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5.3.2 Noise Margins

' dv
By definition, V;; and ¥, are the operational points of the inverter where —= = 1, In the

dv
terminoclogy of the analog circuit designer. these are the points where the gain g of the amplifier,
formed by the inverter, is equal to —1. While it is indeed possible to derive analytical expressions
for Vy; and V,;, these tend to be unwieldy and provide little insight in what parameters are

iz

instrumental in setting the noise margins.

A simpler approach is to use a piece-wise linear approximation for the VTC, as shown in
Figure 5-9, The transition region is approximated by a straight line, the gain of which equals the
gain g at the switching threshold V. The crossover with the V,,,, and the V,, lines is used w0
define Vi and V;, peints. The error introduced is small and weit within the range of what is
required for an initial design. This approach yields the following expressions for the width of the
sransition region Vg — Vi, Vig. V. and the noise marging NAf,; and NM,

(VOH - VOL} - _VDE}

V.I*H - VH_

14 -V 5.7
Vi = V=2 v, = v, 4 22 W 0.7
g

NMy = Vpp—Vig NM, =V,

These expressions make it increasingly clear that a high gain in the transition region is very
desirable. In the extreme case of an infinite gain, the noise margins simplify to Vp, — V), and
Vi — Vi, for NM g and NM | respectively, and span the complete voliage swing.

It remains for us o determine the midpoint gain of the static CMOS inverter. We assume
once again that both PMOS and NMOS are velecity saturated. It is apparent from Figure 5-4 that
the gain is a strong function of the slopes of the currents in the saturation region. The channel-
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Figure 5-2 A piecewise linear approximation of the VTG simplifies
the derivation of ¥, and V.
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5.3 Evaluating the Robustness of the CMOS Inverter—The Static Behavior 189

length modulation factor therefore cannot be ignored in this analysis—doing so would lead to an
infinite gain. The gain can now be derived by differentiating the current Eq. (5.8), which is valid
around the switching threshold, with respectto V,:

inT
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Differentiating and solving for d¥,/dV,,, vields
dvaur - k;:VDSA ?‘4;(1 + }L':s Vam} + kp VDSA TP{E + 7“]} Vo;;f - ?“pvf}f}) (5 9)
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Ignoring some second-order terms and setting V), = V,, produces the gain expression,
2= 1 ,f.:” VDSAT:: + kp VBSA p
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with Ip(Vy,) the current flowing through the inverter for V,, = V,,. The gain is almost purely
determined by technology parameters, especially the channel-length modulation. It can only be
influenced in a minor way by the designer through the choice of the supply voltage and the tran-
sistor sizes.

Example 5.2 Voltage Transfer Characteristic and Noise Margins of CMOS Inverter

Assume an inverter in the generic 0.25-pum CMOS technology designed with a PMOS-to-
NMOS ratie of 3.4 and with the NMOS transistor minimum size (W=0.375 um, L=0.25 um,
WL = 1.5). We first compute the gain at Vy, (= 1.25 V)

InVy) = i.SxEiSXIﬁ"éx(}.&><(1.25—0.43~D.63/2)x{i~1—0.06><1.25} = 50%x 107 A
oV

1 15x1i5x107%%0.63+1.5x3.4x30x 107 % 1.0
_ = —27.5 (Ba.5.10
P 0.06+0.1 (Eq. 5.10a)

This yields the following values for ¥y, Vi, NM, NM

V]LZ 1.2“ ViH= %.3"{73 NIKL = NJ?V;H: 1.2
Figure 5-10 plots the simulated VTC of the inverter, as well as its derivative, the gain. A
close to ideal characteristic is obtained. The actual values of V;; and V), are 1.03 V and

145V, respectively, which leads to noise margins of 1.03 ¥V and 1.05 V. These values are
lower than those predicted, for two reasons:
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= Bq. {5.10} overestimates the gain. As observed in Figure 5-10b, the maximum gain
(at V,,} equals only 17. This reduced gain would vield values for V;; and ¥, of
1,17V, and 1.33 V, respectively’. -

« The most important deviation is due to the plecewise linear approximation of the
YTC, which is optimistic with respect to the actual noise margins.
The expressions obtained are, however, perfectly useful as first-order estimations, as
well as means of identifying the relevant parameters and their impact.

To conclude this example, we also extracted fiom simulations the output resistance
of the inverter in the low- and high-ouiput states. Low values of 2.4 kQ and 3.3 k&3,
respectively, were observed. The output resistance is a good mieasure of the sensitivity of
the gate with respect to noise induced at the output, and is preferably as low as possible,
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Figure 5-10 Simulated Voltage Transfer Characteristic {a) and voltage gain (b) of CMOS
inverter {0.25-pm CMOS, V=25 V).

SIDELINE: Surprisingly {or perhaps not so surprisingly), the static CMOS inverter can also be
used ag an analog amplifier, as it has a fairly high gain in its transition region. This region is very
narow, however, as is apparent in the graph of Figure 5-10b. It also receives poor marks on
other amplifier properties such as supply noise rejection. Still, this observation can be used
demonstrate one of the major differences between analog and digital design. Where the analog
designer would bias the amplifier in the middle of the transient region so that 3 maximum linear-
ity is obtained, the digital designer will operate the device in the regions of extreme nonlinearity,
resulting in well-defined and well-separated high and low signals.

! addition, Eq. {3.10)is notentirely valid for this particular exampie. The atientive readerwill ohserve that for the operating
conditions athand, the P03 operates in saturation mode, not velocity saturation. The irp actontheresult is minor, however.
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5.3 Evaluating the Robustness of the CMOS Inverter—The Static Bahavior 181

Problem 5.2 Imverter Noise Margins for Long-Channe! Devices

Derive expressions for the gain and noise margins asswning that PMOS and NMOS are long-channel
devices {or that the suoply voltage is low), so that velocily saturation does not occur.

5.3.3 Robusiness Revisited

Device Variatfions

While we design a gate for nominal operation conditions and typical device parameters, we
should always be aware that the actual operating temperature might vary over a large range, and
that the device parameters after fabrication probably will deviate from the nominal values we
used in our design optimization process. Fortunately, the dc characteristics of the static CMOS
inverter turn out to be rather insensitive to these variations, and the gate remains functional over
a wide range of operating comditions. This already became apparent in Figure 5-7, which shows
that variations in the device sizes have only a minor impact on the switching threshold of the
inverter. To further confirm the assumed robustness of the gate, we have restmulated the voltage
transfer characteristic by replacing the nominal devices by their worst or best case incarnations.
Two corner cases are plotted in Figure 5-11: a better-than-expected NMOS, combined with an
inferior PMOS, and the opposite scenario. Comparing the resulting curves with the nominal
response shows that the operation of the gate is by no means affected, and that the variations
mainly cause a shift in the switching threshold. This robust behavior, which ensures functional-
ity of the gate over a wide range of conditions, has contributed in a big way to the popularity of
the static CMOS gate.

25 ; E
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%i | Bad NMOS
S 15 1l .
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Figure 5-11 Impact of device variations cn static CMOS inverter VTC.
The “good” device has a smailer oxide thickness (- 3 nm), a smaller length

(— 25 nmy), & higher width (+ 30 nm}, and a smaller threshoid (- 50 mV). The
opposite is true for the "bad” transistor.
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Scaling the Supply Yoltage

In Chapter 3, we observed that continuing technology scaling forces the supply voltages w©
reduce at rates similar to the device dimensions. At the same time, device threshold voltages are
virtually kept constant. You may wonder about the impact of this trend on the integrity parame-
ters of the CMOS inverter. Do inverters keep on working when the voltages are scaled. and are
there potential Hmits to the supply scaling?

A first hint on what might happen was offered in Eq. (5.10), which indicates that the gain
of the inverter in the transition region actually increases with a reduction of the supply voltage!
Note that for a fixed transistor ratio , V, is approximately proportional to V. Plotting the (nor-
malized) VTC for different supply voltages not only confirms this conjecture, but even shows
that the inverter is well and alive for supply voltages close to the threshold voltage of the com-
posing transistors (see Figure 5-12a). At a voltage of 0.5 V—which is just 100 mV above the
threshold of the mansistors—the width of the transition region measures enly 10% of the supply
voltage (for a maximum gain of 35), while it widens to 17% for 2.5 V. So, given this improve-
ment in dc characteristics, why do we not choose to operate all of our digital circuits at these low
supply voltages? Three important reasons come to mind:

* Reducing the supply voltage indiscriminately has a positive impact on the energy dissipa-
tion, but is absclutely detrimental to the delay of the gate, as we will learn in the next
sections.

» The dec characteristic becomes increasingly sensitive to variations in the device parame-
ters, such as the transistor threshold, once suppiy voltages and intrinsic voltages become
comparable.

« Scaling the supply voltage means reducing the signal swing. While this typicaliy helps (o
reduce the internal noise in the system (such as caused by crosstalk}, it makes the design
more sensitive to external noise sources that do not scale,

23 =T ! 02 | T
.1 -
H 415 —
%
o 15} i -~ -
Z ] >
i | 1ol -
;D i - ‘% | _b:a
i
05 ‘% B (.03 =
: \
* ain = —1 "/\'
o i [ i D & 5
0 0.5 1 is p 2.5 O 0.05 0.1 0.15 82
Viu (V} Vir; (V)
{a) Reducing V5 improves the gain, {b} but it detoriates for very tow supply voitages.

Figure 5-12 VTC of CMOS inverter as a function of supply voltage (0.25-um CMOS technologys.
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5.4 Performance of CMOS Inverter: The Dynamic Behavior 163

To provide an insight into the question on potential limits to the voliage scaling, we have
plotted the voltage transfer characteristic of the same inverter for the even lower supply voltages
of 200 mV, 100 mV, and 50 mV in Figure 5-12b. The transistor thresholds are kept at the same
level. Amazingly enough, we still obtain an inverter characteristic, even though the supply volt-
age is not large enough to turn the transistors on! The explanation can be found in the subthresh-
old operation of the transistors. The subthreshold currents are sufficient to switch the gate
between low and high levels, as well as to provide enough gain to produce acceptable VICs. The
low value of the switching currents ensures a very slow operation, but this might be acceptable
for some applications (such as watches, for example).

At around 100 mV, we start observing a major deterioration of the gate characteristic. Vy,,
and Vp, are no longer at the supply rails and the transition region gain approaches 1. The latter
turns out to be a fundamental showstopper. To achieve sufficient gain for use in a digital circuir,
it is necessary that the supply be at least two times ¢ = k¥¥g (= 25 mV at room temperature), the
thermal voltage introduced in Chapter 3 [Swanson72]. It turns out that below this same voltage,
thermal noise becomes an issue as well, potenifally resulting in unreliable operation. We express
this relation as

VDD??in!>2»t-4]%‘ (5.11}

Equation (3.11) presents a true lower bound on supply scaling. It suggests that the only way to
get CMOS inverters to operate below 100 mV is to reduce the ambient temperature—or in other
words, 1o cool the circuit.

Probiem 5.3 Minimum Supply Voltage of CMOS Inverter

Once the supply voltage drops below the threshold voltage, the trassistors operate in the subthreshold
region, and display an exponential current—voltage relationship (as expressed in Eq. (2.39)). Derive an
expression for the gain of the inverter under these circumstances (assume symmetrical NMOS and PMOS
transistors, and a maximum gain at ¥y, = V,,5/2). The resulting expression demonsiates thal the minimum
voltage is 2 function of the slope factor n of the transistor:

g =-(3je™" -1 (5.12)

According to this expression, the gaindrops o -1 at Vpp =48 mV (forn= 1.3 and 47T =25 mV.

5.4 Performance of CMOS Inverter: The Dynamic Behavior

The qualirative analysis presented earlier concluded that the propagation delay of the CMOS
inverter is determined by the time it takes to charge and discharge the load capacitor C; through
the PMOS and NMOS wansistors, respectively. This observation suggests that getting C; as
small as possible Is erucial to the realization of high-performanee CMOS eireanits. It is thus
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194 Chapter 5 « The CMOS inverter

warthwhile to first study the major components of the load capacitance before embarking on an
in-depth nnalysis of the propagation delay of the gate. In addition to this detailed analysis, this
section also presents a sumumary of techniques that a designer might use to optimize the perfor-
mance of the inverter.

541 Computing the Capacitances

Manual anatysis of MOS circunits where each capacitor is considered individually is virtwally
impossible. The problem is exacerbated by the many nonlinear capacitances in the MOS transis-
tor model, To make the analysis fractable, we assume that all capacitances are lumped together
into one single capacitor €}, located between ¥, and GND. Be aware that this is a congiderable
simplification of the actual situation, even in the case of a simple inverter.

Figure 5-13 shows the schematic of a cascaded inverter pair. It includes ali the capaci-
tances influencing the transient response of node V. It is initially assumed that the input V,, is
driven by an ideal voltuge source with zero rize and fall times. Accounting only for capacitances

connecied to the output node, C, breaks down into the foliowing components.

Gate-Drain Capacitance C,gy5

M, and M, are either in cut-off or in the saturation mode during the first half (up to 50% point) of
the output transient. Under these circumstances, the only contributions to C, 5, are the overlap
capacitances of both A4, and M.. The channel capacitance of the MOS transistors does not play a
role here, as it is located either completely between gate and bulk (cut-off) or gate and source
{sataration) (see Chapier 3).

The lumped capacitor model now requires that this fleating gate-drain capacitor be
replaced by a capacitance to ground. This is accomplished by taking the so-called Miller effect
into account. During a low-high or high-low transition, the terminals of the gate-drain capaci-
tor are moving in opposile divections (see Figure 5-14). The voltage change over the floating
capacitor is thus twice the actual output voltage swing. To present an identical load to the out-
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Figure 5-13 Parasitic capacitances, influencing the transient hehavior
of the cascaded inverter pair.
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Figure 5-14 The Miller effect—A capacitor expariencing identical but opposite
voltage swings af both its terminals can be replaced by a capacitor to ground, whoss
value is two times the otiginal valus,

put node, the capacitance to ground must have a value that is twice as large as the floating
capacitance.

We use the following equation for the gate-drain capacitors: Cy= 2 CpoW (with Cpg the
overlap capacitance per unit widih as used in the SPICE model). For an in-depth discussion of
the Miller effect, please refer to textbooks such as [Sedra87, p. 571.°

Diffusion Capacitances Cy,; and C;

The capacitance between drain and bulk is due to the reverse-biased pr-junction. Such a capaci-
tor is, unfortunately, quite nonlinear and depends heavily on the applied voltage. We argued in
Chapter 3 that the best approach to simplifving the analysis is to replace the nonlinear capacitor
by a linear one with the same change in charge for the voltage range of interest. A multiplication
factor K, 1s introduced to relate the linearized capacitor to the value of the junction capacitance
under zero-bias conditions.

Cop = Ko yCo (5.13)

&q

with Cy the junction capacitance per unit area under zero-bias conditions. For convenience, we
repeat Eq. (3.11) here, writien as

) 5
4 (Vfrz'gfs"_ V}(}w}(l - 1)

K {{gﬂ - yizigi:) oo {@(}" V"mv)l -] (5‘14)

with ¢ the built-in junction potential and m the grading coefficient of the junction. Observe thar
the junction voltage is defined to be negative for reverse-biased junctions.

Example 5.3 K, for a 2.5-V CMOS Inverter

Consider the inverter of Figure 5-13 designed in the generic 0.25-um CMOS technology,
The relevant capacitance parameters for this process were summarized in Table 3-3.

Let us first analyze the NMOS traasistor (Cy,, in Figure 5-13). The propagation
delay 1s defined by the time between the 50% transiticns of the input and the output. For

the CMOS inverter, this is the time instance where V,, reaches [.25-V, as the output

“The Miller effect discussed in this context is a sinplified version of the general analog case. In a digital inverter, the
large-scale gain betwesn input zad output always egaals —1.

Dell Ex. 1025
Page 84



198

Chapter 5 ¢ The CMOS Inverter

voltage swing goes from rail to rail or equals 2.5 V. We therefore linearize the junction
capacitance over the interval {25V, 1.25 V} for the high-to-low transition, and
{0, 1.25 V} for the low-to-high transition.

During the high-to-low transition at the outpuy, V,, initially equals 2.5 V. Because
the bulk of the NMOS device is connected to GND, this transiates into a reverse volt-
age of 2.5V over the drain junction or V., = —2.5 V. At the 50% point, V,,= 125 V or
Vip = —1.25 V. Evaluating Eq. (5.14) for the bottom plate and sidewall components of
the diffusion capacitance yields the following data:

Bottom piate: eq (m =035, 6,=09=0.57

Sidewall: K, oy (2= 0.44, 9y = 0.9) = 0.61
During the low-to-high transition, V,,, and ¥y, equal 0 V and —1.25 V, respectively,
resulting in higher values for K, -

Bottom plate: eq n=050,=09=079

Sidewall: Kogor (n =044, $,=0.9)=0.81
The PMOS iransistor displays a reverse behavior, as its substrate is connected to 2.5 'V,
Hence, for the high-to-low transition (V,,,.= 0, Vi, = ~1.25 V}, we have

Bottom plate: g =048, ¢;=093=0.79

Sidewail: Kooy (1= 0.32, 90 = 0.9) = 0.86

Finaily, for the low-to-high transition {V,,,=-1.25V, V., = 2.5 V), we have

Bottom plate: eq (m=0.48,0,=05)=059
Sidewall: (m=032,0,=09=07

equ'w

By using this approach, the junction capacitance can be replaced by a linear component and

treated ag any other device capacitance. The result of the linearization is a minor error in the voltage
and current waveforms. The logic delays are not significantly influenced by this simplification,

Wiring Capacitance C,

The capacitance dug to the wiring depends on the Iength and width of the connecting wires, and
is a function of the distance of the fan-out from the driving gate and the number of fan-out gates.
As argued in Chapter 4, this component is growing in importance with the scaling of the tech-
nology.

Gate Capacitance of Fan-Out C,; and Cpy

We assume that the fan-out capacitance equals the total gate capacitance of the loading gates M,
and M,. Hence,

NMOS) + C,,,,(PMOS
( ) gat ) (5‘15}

(Casont Copont WL, Cox) + (Cos0, + Copppt WL, G0l

Cfmz-ar;.' = gare
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This expression simplifies the actual situation in two ways:

« It assumes that all components of the gate capacitance are connected between V,,, and
GND (or Vpp), and it ignores the Miller effect on the gate—drain capacitances. This has a
relatively minor effect on the accuracy, since we can safely assume that the connecting
gate does not switch before the 50% point is reached, and V,, thus remains constant in

the interval of mterest,

*+ A second approximation is that the channel capacitance of the connecting gate is constant
over the interval of interest. This is not exactly the case as we discovered in Chapter 3. The
total channel capacitance is a function of the operation mode of the device, and varies
from approximately (2/3) WLC  {satwration) to the full WLC,, (linear and cutoff). A drop
in overzll gate capacitance also occurs just before the transistor turns on, as in Figuze 3-31.
During the first half of the transient, it may be assumed that one of the load devices is
always in linear mode, while the other transistor evolves from the off mode to saturation.
Ignoring the capacitance variation results in a pessimistic estimation with an error of
approximately 10%, which is acceptable for a first-order analysis.

Example 5.4 Capacitances of a 0.23-um CMOS Inverter

A minimum-size, symmetrical CMOS inverter has been designed in the 0.25-um CMOS
technology. The layout is shown in Figure 5-15. The supply voltage V5 is set t0 2.5 V.
From the layout, we derive the transistor sizes, diffusion areas, and perimeters. This data is
summuarized in Table 5-1. As an example, we will derive the drain area and perimeter for
the NMOS transistor. The drain area is formed by the metal-diffusion contact, which has
an area of 4 x 4 A%, and the rectangle between contact and gate, which has an area of
3 % 1 A% This results in a total area of 19 2%, or 0.30 um® (as & = 0.125 pm). The perimeter
of the drain area is rather involved and consists of the following comporents (going coun-
terclockwise): S+4+4+ 1+ 1=15%0r PD=15x0.125 = 1.875 um. Notice that the
gate side of the drain perimeter is not included, as this is not considered a part of the side-
wall. The drain area and perimeter of the PMOS transistor are derived similarly (the rectan-
gular shape makes the exercise considerably simpler): AD = 5 x 9 %= 45 32, or 0.7 um?;
PD=5+9+5=19X 0r2.375 pm.

Table 5-1 Inverter fransistor data.

WL AD (om®) PD {um) AS {(pm?) PS {u.m)

NMOS  0.375/40.25 0.3(i1929) 1875 (15K 0.3 (19 A% 1.875 {154)
PMOS 1.1254.25 0.7 (45 49 2375 (19 0.7 (45 x5 2.375 (190
Dell Ex. 1025
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Figure 5-15 Layout of two chained, minimum-size inverters using SCMOS
Design Rules {see also Color-plate 8).

This physical information can be combined with the approximations derived sarlier
to come up with an estimation of €. The capacitor parameters for our generic process
were summarized in Table 3-5 and are repeated here for convenience:

Overlap capacitance: CGDYNMOS) = 0.31 fF/um; CGDOPMOS) = 0.27 fF/um

Bottom junction capacitance: CIINMOS) = 2 fF/um?;, CHPMOS) = 1.9 fFium?

Sidewall junction capacitance: CISW{NMOS) = 0.28 fF/pum: CISW(PMOS) =0.22 fF/um
Gate capacitance: €, (NMOS) = C, (PMOS) =6 fR/um?®

Finally, we should also consider the capacitance coniributed by the wire connecting
the gates and implemented in metal 1 and polysilicon. A layout extraction program typically
delivers precise values for this parasitic capacitance. Inspection of the lavout helps us form
a first-order estimate. It yields that the metal-1 and poiysilicon areas of the wire, which are
not over active diffusion, equal 42 22 and 72 A2, respectively. With the aid of the interconnect
parameters of Table 4-2, we find the wire capacitance (observe that we ignore the fringing
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Table 5-2 Components of C; {for high-io-low and low-te-high transitions).

Value (fF} Value {IF}
LCapacitor Expression {H->L) (L - H)
Coat 2 CGD0, W, 0.23 0.23
Cot2 2CGD0, W, (.61 0.61
Can Kega AD, CT + Ky, PD, CISW 0.66 .90
Capa Keap ADg CF + Kigup PD, CISW) 1.5 1.15
Ces {CGDOA+CGSO W, + C W, L, 0.76 0.76
Coa {CGDO+CCSO Y W, + C, W, L, 228 2.28
Lo From Extraction 0.12 G.12
< z 6.1 6.0

capacitance in this simple exercise; due to the short length of the wire, this contribution can
be ignored compared with the other entries):

Cone = 42/8% 1m? x 30 aF/um? + 72/8% um®x 88 aF/pm? = 0.12 fF

The results of bringing all the components together are summarized in Table 5-2.
We use the values of K, derived in Example 5.3 for the computation of the diffusion
capacitances. Notice that the lead capacitance is almost evenly split between its two major
components: the intrinsic eapacitance, composed of diffusion and overlap capacitances,
and the extrinsic load capacitance, contributed by wire and connecting gate.

5.4.2 Propagation Delay: First-Order Analysis

One way to compute the propagation delay of the inverter is to integrate the capacitor

{dis)charge current. This results in the expression
V3

_ fq{v}

v}

, dv (5.16)

¥y
with { the (dis)charging current, v the voltage over the capacitor, and v, and v, the initial and
final voltage, respectively. An exact computation of this equation is intractable, as both C, (1)
and i{(v} are nonlinear functions of v. Instead, we fall back to the simplified switch mode{ of the
inverter introduced in Figure 5-6 to derive a reasonable approximation of the propagation delay
adequate for manual analysis. The voltage dependencies of the “on™ resistance and the load
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capacitor are addressed by replacing both by a constant linear element with a value averaged
over the interval of interest. The preceding section derived precisely this value for the load
capacitance. An expression for the average “on” resistance of the MOS transistor was already
derived in Example 3.8 and is repeated here for convenience:

Yop v
i YV 3 ¥pp 7.
R = = F~<AV
¢ Vpp/2 j Insar{L +AV) 47 [ g e
ol v lpsar DSAT 54T)
e
. W Ve
with Ipeur = kz(ﬁ"bu—yfr)vam'f“ D;T)

Deriving the propagation delay of the resulting circnit is now straightforward—it is noth-
ing more than the analysis of a first-order linear RC network, identical o the exercise of Exam-
ple 4.5. We learned there that the propagation delay of such a network, excited by a voltage step,
is proportional to the time constant of the network, formed by pull-down resisior and load capac-
itance. Henes,

tyur = IR, C; = 0.69R,,,C, (5.18

eqn
Similarly, we can obtain the propagation delay for the low-to-high transition. We write

tow = 0.69R,, C, (5.19)

eqp

with R, the equivalent on resistance of the PMOS transistor over the interval of interest. This anal-
ysis assumes that the equivalent load-capacitance is identical for both the high-to-low and low-to-
high transitions. This was shown to be approximately the case In the example of the previous sec-

tion. The overall propagation delay of the inverter is defined as the average of the two values:

_ zp}-fl.. + Ipilb' = 0.69C I(Reqn + Re(;g}

Z,-} - 2 L;\ 3 )
Very often, it is desirable for a gate to have identical propagation delays for both rising and fall-
ing inputs. This condition can be achigved by making the “on” resistance of the NMOS and
PMOS approximately equal. Remember that this condition is identical to the requirement for a
symmetrical VTC,

(5.20)

Example 5.5 Propagation Delay of a (.25 ym CMOS Inverter

To derive the propagation delays of the CMOS inverter of Figure 5-15, we make use of Eq.
{5.18) and Eq. (5.19;. The load capacitance C; was already computed in Bxample 5.4,
while the equivalent “on” resistances of the transistors for the generic 0.25-4m CMOS
process were derived in Table 3-3. For a supply voltage of 2.5 V, the normalized “on”
resistances of NMOS and PMOS transistors equal 13 k€ and 31 kQ, respectively, From
the layout, we determine the {W-to-L) ratios of the transistors to be 1.5 for the NMOS, and
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4.5 for the PMOS. We assume that the difference between drawn and effective dimensions
is small enongh to be ignorable. This leads to the following values for the delays:

s = 0.69x(%2)x6.2 fF = 36 ps
31 kO
b = 0.69><(4—5—) x 6.0 fF = 29 ps
and
36420y _
fﬂ-( 2 j-32.5;33

The accuracy of this analysis is checked by performing a SPICE transient simulation
on the circuit schematic, extracted from the layout of Figure 3-15. The computed transient
response of the circuit is plotted in Figure 5-16, and determines the propagation delays to
be 39.9 ps and 31.7 ps for the HL and LH transitions, respectively, The manual resuls are
good, considering the many simplifications made during their derivation. Notice in partic-
ular the overshoots on the simulated ouiput signals. These are caused by the gate-drain
capacilances of the inverter transistors, which couple the steep voltage step at the inpwt
node directly to the output before the transistors can even start to react fo the changes at
the input. These overshoots clearly have a negative impact on the performance of the gate
and explain why the simulated delays are larger than the estimations.

3 7 T T 7
Vm

VON! (V)

|
g
b

G 0.5 1 1.5 2 235
t{sec) x 10710

Figure 5-16 Simulated transient response of the inverter of Figure 5-15.

WARNING: This example might give the impression that manual analysis always leads to
close approximations of the actual response, which is not necessarily the case. Large deviations
often can be observed between first- zad higher order models. The purpose of the manual

Dell Ex. 1025
Page 90



202 Chapter 5 « The CMOS Inverter

analysis is to get a basic insight into the behavior of the circuit and to determine the dominant
parameters. A detailed simulation is indispensable when quantitative data is required. Consider
the preceding example a stroke of good luck. -

The cbvious question a designer asks at this point is how to manipulate or optimize the
delay of a gate. To provide an answer to this guestion, it is necessary to make the parameters
governing the delay explicit by expanding &, in the delay equation. Combining Eq. (5.18) and
Eq. (5.17), and assuming for the time being that the channel-length modulation factor 2 is ignor-
able, yields the following expression for £, (a similar analysis holds for 1, ;)

CoVpp _ CiVop

3
1, = 0.69% = (.52 . (5.25
PHL 4 IDSA}"R {ﬁ]/‘a‘}:z}{ n VDSﬁT;r(VDD - V}"ﬁ - VDS.-%}"!:‘/Z)

In the majosity of designs, the supply voltage is chosen high enough so that Vpg 5> Vi 3
Vosar /2. Under these conditions, the delay becomes virtually independent of the supply
voltage:

CL

fogp =052 , (5.22)
pHE (I'E;’/L)uk n VDSATii

Observe that this is a first-order approximation, and that increasing the supply voltage

yields an observable, albeit small, improvement in performance due to a nonzero channel-length

modulation factor. This analysis is confirmed in Figure 5-17, which plots the propagation delay

of the inverter as a function of the supply voltage. It comes as no surprise that this curve is virts-

e N E S R N B
5

4.5
4
35

LF%]

1,(normalized)

2.3

o]

H

5
i
g

8 1 12 14 16 18 2 22 24
VoplVi

Figure 5-17 Propagation delay of CMOS inverter as a function of supply voltage
{normalized with respect to the delay at 2.5 V). The dots indicate the delay values
predicted by Eqg. (5.21). Observe that this equation is only valid when the devices are
velocity saturated. Hence, the deviation at fow supply voltages.
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ally identical in shape to the one of Figure 3-28, which charts the equivalent “on” resistance of
the MOS transistor as a function of V5. While the delay is relatively insensitive to supply vari-
ations for higher values of ¥,5, a sharp increase can be observed starting around = 2V, This
operation region clearly should be avoided if achieving high performance is a primary design
goal.

From the preceding discussion, we deduce that the propagation delay of a gate can be minimized in the fol-
lowing ways:

* Reduce ;. Remember that three major factors contribute o the load capacitance: the internal diffu-
sion capacitance of the gate iself, the interconnect capacitance, and the fan-out. Careful layout helps
to reduce the diffusion and interconnect capacitances. Geood design practice reguires keeping the
drain diffusion areas as siall as possible.

= Increase the W/L ratio of the transistors. This is the most powerful and effective performance opti-
mization teol in the hands of the desigrer. Proceed with caution, however, when applying this
approach. Increasing the transistor size also raises the diffusion capacitance and hence ;. In fact,
once the intrinsic capacitance {i.e. the diffusion capacitance) starts to dominate the extrinsic load
formed by wiring and fan-out, increasing the gate size ao longer helps in reducing the delay. It only
makes the gate targer in area. This effect is called self-foading. In addition, wide transistors have a
larger gate capacitance, which increases the fan-out factor of the driving gate and adversely affects
its speed as well.

« Increase Vpg. As llustrated in Figore 3-17, the delay of 2 gate can be madulated by modifying the
supply voliage. This flexibility allows the designer to irade off energy dissipation for performance, as
we will s2¢ in a later section. However, increasing the supply voltage sbove a certain level yields
only very minimal improvement and thus should be avoided, Also, reliability concemns (oxide break-
down, hot-electron effects) enforce firm upper bounds on the supply voltage in deep submicron
provesses. -

Problem 5.4 Propagation Delay as a Function of (dis)charge Current

50 far, we have expressed the propagation delay as a function of the equivalent resistance of the transistors.
Another approach would be o replace the transistor by a current source with a value equal to the average
{disjcharge current over the interval of interest. Derive an expression of the propagation delay using this
alternative approach,

5.4.3 Propagation Delay from a Design Perspective

Some interesting design considerations and trade-offs can be derived from the delay expressions
we have derived so far. Most importantly, they lead to a general approach toward transistor siz-
ing that will prove to be extremely useful.

NMOS-t6-PMOS Ratio
So far, we have consistently widened the PMOS transistor so that its resistance matches that of
the pull-down NMOS device. This typically requires a ratio of 3 to 3.3 between PMOS and
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NMOS width. The motivation behind this approach is to create an inverter with a symmetrical
VTC and to equate the high-fo-low and low-to-high propagation delays. However, this does not
imply that this ratio also yields the minimum overail propagation delay. If symmetry and
reduced noise marging are not of prime concern, it is actually possible to speed up the inverter by
reducing the width of the PMOS device!

The reasoning behind this statement 1s that, while widening the PMOS improves the 7,
of the inverter by increasing the charging current, it also degrades the 1,4, by cavsing a larger
parasitic capacitance. When two contradictory effects are present, a transistor ratio must exist
that optimizes the propagation delay of the inverter,

This optirnum ratio can be derived using a simple analysis technique. Consider two identi-
cal cascaded CMOS inverters. The approximate oad capacitance of the first gate is given by

CL = (C{l’]}l + C(?ﬁl) + {Cg,nz + C,grﬂ) + C;’{; {523}

where Cy, and €, are the equivalent drain diffusion capacitances of PMOS and NMOS tran-
sistors of the first inverter and C; and €, are the gate capacitances of the second gate. iy rep-
resents the wiring capacitance.

When the PMOS devices are made [ times larger than the NMOS ones (f = {WJ'L)P{ (WIL),>,
all transistor capacitances scale in approximately the same way, or Cy =B Cypy, and G5 =
B €y Equation (5.23) can then be rewritten as

Based on Eq. {5.20), the following expression for the propagation delay can be derived,
.69 Re
t, = —({}'-*.B}(Cgful-l- az)'i'cvy)( eqn ™ qu)

(5.25)
= 0.345((1 + B} Cypuy + Coma) + CW)Req,,(i + é)

Here, r{=R 3y represents the resistance ratio of 1éf:nt1ca1}y sized PMOS and NMOS tran-

eqﬂ eqn

sistors, The optimal value of B can be found by setting to &, which yields

aaﬁ

B = ; P 5.26)
ot Ajr( TC{E;:IJ"anZ) ( l

This means that when the wiring capacitance is negligible (Cy; + Cpp >> Gy, By
equals 7, in contrast t© the factor r normally used in the noncascaded case. If the wiring capac-
itance dominates, larger values of B should be used. The surprising result of this analysis is that
smaller device sizes (and thus a smaller design area) yield a faster design at the expense of sym-
metry and noise margin.
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Example 5.6 Sizing of CMOS Inverter Loaded by an Identical Gate

Consider again our standard design example. From the values of the equivalent resistances
{Table 3-3), we find that a ratio B of 2.4 (= 31 k€27 13 k) would vield a symmeirical tran-
sient response. Eq. (5.26) now predicts that the device ratio for an optimal performance
should equal 1.6, These resalts are verified in Figure 5-18, which plots the simulated prop-
agation delay as a function of the transistor ratic 8. The graph clearly illustrates how a
changing {5 trades off between 1., 5 and /,,; . The optimum point cccurs around f§ = 1.9,
which is somewhat higher than predicted. Observe also that the rising and falling delays
are identical at the predicted point of f§ equal to 2.4. This is the preferred operation point
when the worst case delay is the prime concern.

» 197U

t(sec)

3 } i 1 ] ! H !
T 15 2 25 3 35 4 45 3
8

Figure 5-18 Propagation detay of CMOS inverter as a function
of the PMOS-10-NMOS transistor ratio §.

Sizing Inverters for Performance

In this analysis, we assume a symmetrical inverter, which is an inverter where PMOS and
NMOS are sized such that the rise and fall delays are identical. The load capacitance of the
inverter can be divided into an iptrinsic and an extrinsic compenent, or C; = C,, + C,,;. Cp,, Tep-
resents the self-loading or intrinsic output capacitance of the inverter, and is associated with the
diffusion capacitances of the NMOS and PMOS transistors as well as the gate—drain overlap

(Miller) capacitances. C,, is the extrinsic load capacitance, aitributable to fan-out and wiring

3You probably wonder why we do not atways ecnsider the worst of the rising and falling delays as the prime pesfor-
mance measure of 3 gate. When cascading inverting gates 1o forin a more complex logic network, you quickly realize
that the average of the 1wo is a more meaningfal measure. A rising tzansition on one gate iz followed by a fafBng transi-
tion oa the next.
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capacitance. Assuming that R,, stands for the equivalent resistance of the gate, we can express

the propagation delay as

0.69R, (C,,, + C.,,

7 egr( int e.i.) (527
{}’69R£qcém(i +C fcim) = ’{pﬁ{l + Ceﬂ/ Cizef}

2x!

f

where 15 = 0.69 R, C,, represents the delay of the inverter only loaded by its own intrinsic
capacitance {C,.= 0}, and is called the inirinsic or unloaded delay.

The next question is how transistor sizing impacts the performance of the gate. To answer
this question, we must establish the relationship between the various parameters in Eg. {5.27)
and a sizing factor 5, which relates the transistor sizes of our inverter to a reference gate—
typically a minimum-sized inverter. The intrinsic capacitance (., consists of the diffusion and
Miller capacitances, both of which are proportional to the width of the transistors. Hence, C

=
SC,.;- The resistance of the gate relates to the reference gate as R, = R,,,/S. We can now rewrite
Eg. (5.27) as

-
}

= 069(R, 1/ §HSCypo ) (1 + Cot/(SChruf))

Ce H Ce.t {528}
0'69Rr€fciref(l + SMCg-jef) = 3‘;3{3(1 + SC“;{)

From this analysis, we draw two important conclusions:

» The intrinsic delay of the inverter 7, is independent of the sizing of the gate, and is deter-
mined purely by technology and inverter layout. When no load is present, an increase in
the drive of the gate is totally offset by the increased capacitance.

» Making § infinitely large vields the maximuom obtainable performance gain, eliminating
the impact of any external load, and reducing the delay to the intrinsic one. Yet, any sizing
factor S that is sufficiently larger than (C,,,/C;,} produces similar results at a substantial
gain in silicon area.

Example 5.7 Device Sizing for Performance

Let us explore the performance improvement that can be obtained by device sizing in the
design of Example 5.5. We find from Table 5-2 that C,,/C,, = 1.053 (C,,, =3.0{F, C,, =
3.15 fF). This would predict a maximum performance gain of 2.05. A scaling factor of 10
allows us to get within 10% of this opiimal performance, while larger device sizes only
yield ignorable performance goins.

This is confirmed by simulation results, which predict a maximum obtainable per-
formance improvement of 1.9 {74 = 19.3 ps). In Figure 5-19, we observe that the majority
of the improvement is already obtained for § = 5, and that sizing factors larger than 10

barely vield any extra gain.
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Figure 5-19 Increasing inverter performance by sizing the NMOS and PMCS transistor
with an identical factor S for a fixed fan-out {inverter of Figure 5-15}.

Sizing a Chain of Inverters

While sizing up an inverter reduces its delay, it also increases its input capacitance, Gate sizing
in an isolated fashion without taking into account its impact on the delay of the preceding gates
is a purely academic enterprise. Therefore, a more relevant problem is determining the optimum
sizing of a gate when embedded in a real environment. A simple chain of inverters is a good
first case to study. To determine the input loading effect, the relationship between the input gate
capacitance C, and the intrinsic output capacitance of the inverter has to be established. Both are
proportional to the gate sizing. Hence, the following relationship holds, independently of gate
sizing:

Coe = ¥C, {5.29)

In Eq. {3.29), v is a proportionality factor that is only a function of technology and is close to |
for most submicron processes, as we observed in the preceding examples. Rewriting Eq. (5.28),
we obtain

£, = :ng I+ CL’“) = 7,0l + £/7) (5.30)
vore,
which establishes that the delay of an inverter is only a function of the raiioc between its exter-
nal Ioad capacitance and its inpet capacitance. This ratio is called the effective fan-out f.
Let us consider the circuit of Figure 5.20. The goal is to minimize the delay through the
inverter chain, with the input capacitance C,, of the first inverter—typically a minimaliy-sized
gate—and the load capacitance C, at the end of the chain fixed.

Dell Ex. 1025
Page 96



208 Chapter 5 » The CMOS Inverter
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Figure 5-20 Chain of N inverters with fixed input and outout capacitance.

Given the delay expression for the j-th inverter stage,*

C .
_ giell _ "

i = %o(i + ¥C,, ) = tpol 1 +5;/7) (5.31)

we can derive the total delay of the chain:

W N c \
Litl i 3 —
= Yt = zPQZLl tEE Wit Oy ey = €, (5.32)
j=1 i=1 N

This eguation has N — 1 unknowns, being Cg, 2 Cg_ PR Cg_ »- The minimum delay can be found

by taking N — 1 partial derivatives, and equating them t0 0, or &,/9C, ; = 0. The result is a set
of constraints,

CS._.""‘ lf{cg'j: Cg,j/C

s with(j=2..N) (5.33)

In other words, the eptimum size of each inverter is the geometric mean of its neighbors sizes:

C..=JC, . C. . (5.34)

N A e T
This means that each inverter is sized up by the same factor f with respect to the preceding
gate, has the same effective fan-out {f; = f), and thus the same delay. With C, ; and C, given, we
can derive the sizing factor as

f=#8C,/C, = NF (5.35)
and the minimum delay through the chain as

t, = Nt o(1+NFry) (5.36)
F represents the overall effective fon-cut of the circuit and equals C/C, ;. Observe how the rela-
tionship between ¢, and F 18 a strong function of the number of stages. As expected, the relation-
ship is linear when only 1 stage is present. Infroducing a second stage turns it into a square root
fupction, and so on. The obvious question now is how to choose the number of stages so that the
delay is minimized for a given value of F.

This expression ignores the wiring capacitance, which is a fair assumption for the time being.
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Choosing the Right Number of Stages in an Inverter Chain

Evaluation of Eq. (5.36) reveals the trade-offs in choosing the number of stages for a given ¥
{=f™). When the number of stages is too large, the first component of the equation, which repre-
sents the intrinsic delay of the stages, becomes dominant. If the number of stages is too small,
the effective fan-out of each stage becomes large, and the second component is dominant, The
optimum value can be found by differentiating the minimum deiay expression by the number of
stages and setting the result to 0. We obtain

N
N WFWF _ o
Y+ N

or equivalently (5373

f= e(lwff}

Equation (5.35) has only a closed-form solution for -y = 0—that is when the self-loading is
ignored and the ioad capacitance only consists of the fan-out. Under these simplified conditions,
it is found that the optimal number of stages equals N = In{F), and the effective fan-out of each
stage is set to f= ¢ = 2. 71828, This optimal buffer design scales consecutive stages in an expo-
nential fashion, and is thus called an exponential horn [Mead80]. When self-loading is included,
Eq. can only be solved numerically. The results are plotted in Figure 5-21a. For the typical case
of ¥ = 1, the optimum tapering factor turns out to be close to 3.6. Figure 5-21b plats the {(normal-
ized) propagation delay of the inverter chain as a function of the effective fan-out for y= 1.
Choosing values of the fan-out that are higher than the optimum does not effect the delay very
much and reduces the required number of bufter stages and the implementation area. A common
practice is to select an optimum fan-out of 4. The use of too many stages {f< Fopeds on the other
hand, has a substantial negative impact on the delay, and should be avoided.

T =TT T
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R
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g
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gz
'l L
x % A OSSN S N S B
it a5 i 1.5 2 23 3 1 15 2 25 3 35 4 45 35
Y 7
{a) Optimum effective fan-oul f (or inverter {b) Nermalized propagation delay {£,/(1,.,))

scaling factor) as a function of the seif-loading  as a function of the effective fan-out ffory = 1.
factor vy in an inverter chain.

Figure 5-21 Optimizing the number of stages in an inverter chain.
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Example 5.8 The Impact of Introducing Buffer Stages

Table 5-3 enumerates the values of t, /7, for the unbuffered design, the dual stage, and
optimized inverter chain for a variety of values of F (for vy = 1). Observe the impressive
speedup obtained with cascaded inverters when driving very large capacitive loads.

Table 5-3 i/, versus x for various driver configurations.

F Unbuffered Two Stage Inverter Chain
16 i1 g2 g3
100 141 22 0.5
1060 1004 63 24.8
1,000 10,00 202 33.1

The preceding analysis can be extended o not only cover chains of inverters, but also net-
works of inverters that contatn actual fan-out, an example of which is shown in Figure 5-22, We
merely have to adjust the expression for C,,, to incorporate the additional fan-out factors.

Problem 5.5 Sizing an Inverter Netwerk

Determine the sizes of the inverters in the circuit of Figure 5-22, such that the delay between nodes Ouf and
In is minimized. You may assume that C; =684 C, ;.

Hints: Determine first the matios between the devices that minimize the delay. You should find that
the foilowing relationship must hold:

s

I:?_DC

i

Figure 5-22 Inverier network, in which each gate has a fan-cut of 4 gates,
distributing a single input to 16 output signals in a treelike fashion.
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Finding the actual gate sizes {Cp 5 = 2.52C ; = 6.35C, |) is a relatively straightforward task (with
2.52 = 16'3), Straightforward sizing of the inverter chain, without taking the extra fan-out into account,
would have led to a sizing factor of 4 insiead of 2.52.

The Rise-Fall Time of the Input Signal

All of the preceding expressions were derived under the assumption that the input signal to the
inverter abraptly changed from 0 to Vg or vice versa. Only one of the devices is assumed to be
on during the (dis)charging process. In reality, the input signal changes gradually and, tempo-
racily, PMOS and NMOS transistors conduct simultaneously. This affects the total current avail-
able for (dis)charging and impacts the propagation delay. Figure 5-23 plots the propagation
delay of a minimum-size inverter as a function of the input signal slope—as ¢btained from
SPICE. It can be observed that 1, increases (approximately) linearly with increasing input siope,
once ;> 1, (1, = 0}

While it is possible to derive an analytical expression describing the relationship between
mput signal slope and propagation delay, the result tends to be complex and of limited value.
From a design perspective, it is more valuable to relate the mpact of the finite slope on the per-
formance directly fo its cause, which is the limited driving capability of the preceding gate. [f the
latter would be infinitely sirong, its ontput slope would be zero, and the performance of the gate
under examination would be unaffected. The strength of this approach is that it realizes that a
gate is never designed in isolation, and that its performance is affected by both the fan-cut and
the driving strength of the gate(s) feeding into its inputs. This leads o a revised expression for
the propagation delay of an inverter  in a chain of inverters [Hedenstierna87}:

R Vi (5.38)

Il siep itep

5 10“]}

a6 . [ [ I

0 2 4 6 8
iisec) 1071

Figure 5-23 {; as a function of the input signal siope (10-80% rise or fall time)
for minimum-size inverter with fan-out of a single gate.
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Eq. (3.38) states that the propagation delay of inverter i equals the sum of the delay of the same
gate for a siep input {rmp} (i.e. zero input slope} augmented with a fraction of the step-input
delay of the preceding gate {i — I). The fraction 1] is an empirical constant, which typically has
values around 0,25, This expression has the advantage of being very simple, while exposing all
relationships necessary for the delay computations of complex circaits.

Example 5.9 Delay of Inverter Embedded in Network

Consider, for example, the circuit of Figure 5-22. With the aid of Eq. (5.31) and Eq. (538},
we can derive an expression for the delay of the stage-2 inverter, marked by the gray box:

4C 4¢C
thy = }}O(E + r )-z-ntm\ & 2)
g Z

An analysis of the overall propagation delay in the style of Problem 3.5, leads to the fol-
lowing revised sizing requirements for minimum delay:

41+m)C,. 4l+mC,.s &,

Cg, I Cg, 3

C

822
If we assume 1y = 0.25, f, and £, evaluate to 2.47,

¥ s advantageous o keep the signal rise times smaller than or egual to the gate propagation delays. This
proves to be true not only for performance, but alse for power consumption considerations, as will be dis-
cussed later. Keeping the rise and fal! times of the signals small and of approximately equal values is one of
the major challenges in high-performance desigr; it is often called slope engineering. - |

Problem 3.6 Impact of Input Slope

Petermine if reducing the supply voltage increases or decreases the influence of the input signal siope on
the propagation delay. Explain your answer,

Delay in the Presence of (Long) Inferconnect Wires

The interconnect wire has played a minimal role in our analvsis thus far. When gates get farther
apart, the wire capacitance and resistance can no longer be ignored, and may even dominate the
transient response. Earlier delay expressions can be adjusted to accommodate these extra contri-
butions by employing the wire modeling techniques introduced in the previous chapter. The
analysis defailed in Example 4.9 is directly applicable to the problem at hand. Consider the cir-
cuit of Figure 5-24, where an inverter drives a single fan-out through a wire of length L. The
driver is represented by a single resistance R, which is the average between R, and R, . C;;

eqn eqr
and C,, . account for the infrinsic capacitance of the driver, and the input capacitance of the fan-

jen

out gate, respectively.
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l:."’w’ Cus L}

T T
Thyr l l l Cr

Figure 5-24 Inverter driving single gate through wire of length L.

The propagation delay of the circuit can be obtained by applying the Tlmore delay
expression:

1, = 0.69R;,Crpy+ (0.69R 4, + 0.38R)C,, +0.69(Ry, + R,) C pa

int {539}

= 0.69R,{Cpy+ C o) + 069(Ryyc,, + 1, C gL+ 03870, L

int

The 0.38 factor accounts for the fact that the wire represents a distributed delay. C,, and R, stand
for the total capacitance and resistance of the wire, respectively. The delay expression contain a
component that is linear with the wire length, as well a quadratic one. Tt is the latter that causes
the wire delay to rapidly become the dominant factor in the delay budget for longer wires.

Example 5.1¢ Inverter Delay in Presence of Interconnect

Consider the circuit of Figure 5-24, and assume the device parameters of Example 3.5:
Gy =31F Cp,, =3 {F and R, =0.5(13/1.5 + 31/4.5} = 7.8 kL. The wire is implemented in
metall and has a width of 0.4 pm—the minimum allowed. This yields the following
parameters: ¢,, = %2 aF/fum, and r,, = 0.19 GQéfum (Example 4.4). With the aid of Eq. (5.39),
we can compute at what wire fength the delay of the interconnect becomes equal to the
intrinsic delay caused pwrely by device parasitics. Solving the following quadratic equa-
tion vields a single {meaningful) solution:

~18

~iZ —12

F+05%x 10770 = 3220 % 10
or, L = 653 pm

6.6 x 10

Observe that the extra delay is due solely to the linear factor in the equation—more specif-
ically, to the extra capacitance introduced by the wire. The quadratic factor {the distributed
wire delay) becomes dominant only at much larger wire lengths (> 7 cm). This can be
attributed io the high resistance of the (minimum-size) driver transistors. A different bal-
ance emerges when wider transistors are used. Analyze, for instance, the same problem
with the driver transistors 100 times wider.

5.5 Power, Energy, and Energy Delay

So far, we have seen that the static CMQS inverter with its almost ideal VTC—symmetrical
shape, fell logic swing, and high aoise margins—offers a superior robustness, which simplifies
the design process considerably and opens the door for design automation. Another major
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attractor for static CMOS is the almost complete absence of power consumpticn in steady-state
operation mode, It is this combination of robustness and low static power that has made static
CMOS the technology of choice of most contemporary digital designs. The power dissipation of
a CMOS circuit is instead dominated by the dypamic dissipation resulting from charging and
discharging capacitances.

55.1 Dynamic Power Consumption

Dynamic Dissipation due to Charging and Discharging Capacitances

Each time the capacitor C; gets charged through the PMOS transistor, its voltage rises from G to
Vpp, and a certain amount of energy is drawn from the power supply. Part of this energy is dissi-
pated in the PMOS device, while the remainder is stored on the load capacitor. During the high-
to-tow transition, this capacitor is discharged, and the stored energy is dissipated in the NMOS
transistor.”

A precise measure for this energy consumption can be derived. Let us first consider the
low-to-high transition. We assume, initially, that the input waveform has zero rise and fall
times—in other words, the NMOS and PMOS devices are never on simultancously. Therefore,
the equivalent circuit of Figure 5-25 is valid. The values of the energy Eypp, taken from the sup-
ply during the transition, as well as the energy E., stored on the capacitor at the end of the tran-
sition, can be derived by integrating the instantaneous power over the period of interest:

r L ?ﬂ!}
v
Eypp = [ivpp(Vopdt = Voo [Codt = C,Vpp [ dvey = OV (5:40)
G Q G

Your

7

Figure 5-25 Equivaleni circuit during the low-16-high Fansition.

*Cibserve that this model is a simplification of the actua! circuit. In reality, the Ioad capacitance consists of multiple
companents, soine of which are Jocated between the output nede and GND, others between outpat nide and V. The
latter experience a charge—discharge cyele that is out of phase with the capacitances to GND (i.e., they get charged when
V.., 2oes tow and discharged when ¥,,,, rises.} While this distributes the energy delivery by the supply over the two
phases, it does not affect the overall dissipation, and the resuls presented in this section are still valid.
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Yout

tvbp

k ;

Charge Discharge

Figure 5-26 OCutput voltages and supply current during {dis)charge of G,.

and
r Y e CLV
. v
EC = jg‘«’gﬂ(t}"’wﬂd{ = jcl.%;fvamdf = CL J Verud‘"mﬂ = £2DD (5.41)
Q & L

The corresponding waveforms of v, (f) and f,p(f) are pictured in Figure 5-26.

These results can also be derived by observing that during the low-to-high transition, €, is
loaded with a charge C, V5. Providing this charge requires an energy from the supply equal to
C,Vpp' (= O X Vpp). The energy stored on the capacitor equals C;Vpp”/2. This means that only
half of the energy supplied by the power source is stored on ;. The other half has been dissi-
pated by the PMOS transistor. Notice that this energy dissipation is independent of the size {and
hence the resistance) of the PMOS device! During the discharge phase, the charge is removed
from the capacitor, and its energy is dissipated in the NMOS device. Once again, there is no
dependence on the size of the device. In summary, each switching cycle (consisting of an L—H
and an H—L transition) takes a fixed amount of energy, equal to C;Vp,”. In order to compute the
power consumption, we have to take into account how often the device is switched. If the gate is
switched on and off f;,_,; times per second, the power consumption is given by

Py = CiVonfos (5.42)

where f,_, represents the frequency of energy-consuming transitions {these are 4 — 1 transi-
tions for static CMOS).

Advances in technology result in ever-higher values of f,_,, (as z, decreases). At the same
time, the total capacitance on the chip (C;) increases as more and more gates are placed on a single
die. Consider, for instance, a 0.25-pum CMOS chip with a clock rate of 500 MHz and an average
toad capacitance of 15 fF/gate, assuming a fan-out of 4. The power consumption per gate fora2.5-
¥V supply then equals approximately 50 uW, For a design with | million gates, and assuming that
a transition oceurs at every clock edge, this would result in a power consumption of 50 W1 This

Dell Ex. 1025
Page 104



218 Chapter 5 = The CMOS Inverter

evaluation, fortunately, presents a pessimistic perspective. In reality, not all gates in the complete
IC switch at the full rate of 500 Mhz. The actual activity in the circuit is substantially lower.

Example 5.11 Capacitive Power Dissipation of Inverter

The capacitive dissipation of the CMOS inverter of Example 5.4 is now easily computed.
In Table 5-2, the value of the load capacitance was determined to equai 6 fF. For a supply
voltage of 2.5 V, the amount of energy needed to charge and discharge that capacitance
equals

Egpe = C Vpp = 37510

Assume that the inverter is switched at the (hypothetically) maximum possible rate
(T = Uf =ty + tyg = 2t,). For at, of 32.5 ps (Example 5.5}, we find that the dynainic
power dissipation of the circuit i3

Pyys = Equn/(28,) = 580 pW

Of course, an inverter in an actual circuit is rarely switched at this maximum rate,
and even if it would be, the output does not swing from rail to rail. The power dissipation
will thus be substantially lower. For a vate of 4 GHz {7 = 250 ps), the dissipation reduces
to 150 uW. This is confirmed by simulations, which yield a power consumption of
155 uW.

Computing the dissipaiion of a complex circuit is complicated by the f;_,, factor, also
called the swifching activity. While the switching activity is easily computed for an inverter,
it turns out to be far more complex in the case of more complex gates and circuits. One con-
cern is that the switching activity of a network is a function of the nature and the statistics of
the input signals: If the imput signals remain unchanged, no switching happens, and the
dyramic power consumption is zero! On the other hand, rapidly changing signals provoke
plenty of switching and therefore dissipation. Other factors influencing the activity are the
overall network topology and the function to be implemented. We can accommodate this by
writing

2 2 2 .
Piw=CoiVpplon = CoVppPosif = CopeVppf (5.43)

where f now presents the maximum possible event rate of the inputs (which is often the clock
rate} and P,_, | the probability that a clock event results in a 0 — 1 {er power-consuming) event
at the output of the gate. Cppp = Py, C; is called the effective capacitance and represents the
average capacitance switched every clock cycle. For our example, an activity factor of 10%
{Py_,1 = 0.1} reduces the average consumption to 5 W.
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Example 5.12 Switching Activity

Consider the waveforms in Figure 5.27, where the upper waveform represents the ideal-
ized clock signal, and the bottom one shows the signal at the output of the gate. Power
consuming transitions occur 2 out of 8 times, which is equivalent to a transition probabil-
ity of 0.25 {or 25%).

e LI ANRELTD

Ouiput signal J

Figure 5-27 Clock and signai waveforms.

With the increasing complexity of digital integrated circuits, it is anticipated that the power problem will
only worsen in future technologies. This is one of the reasons that lower supply voltages are becoming
more and more attractive. Reducing ¥y, has a quadratic effect on Py, For instance, reducing Vy, from
2.5 ¥ to 1.25 'V for our example drops the pawer dissipation from 5 W to 1.25 W. This assumes that the
same clock rate can be sustained. Figure 5-17 demonstrates that this assumption is not that unrealistic as
long as the supply voltage is substantially higher thar the threshold voltage. A large performance penalty
eccurs once YV, approaches 2 V.,

When a lower limit on the supply voltage is set by external constrainis fas often happens in real-
world designs), or when the performance degradation due to lowering the supply voltage is intolerable, the
only means of reducing the dissipation is by lowering the effective capacitance. This can be achieved by
addressing both of its components: the physical capacitance and the switching activity.

A reduction in the switching aetivity can oaly be accomplished at the logic and srchitectaral abstrac-
tion: levels, and will be discussed in more detail in Chapter 11, Lowering the physical capacitance is a worth-
while goaf overall, and it also may help to improve the performance of the circuit, As most of the capacitance
in a combinational logic circuit is due to transistor capacitances {gate and diffusion), it makes sense to keep
those contributions to & minimum when designing for low power. This means that transistors shonkd be kept
to minimal size whenever possible or reasonable, This definitely affects the performance of the circuit, but the
effset can be offset by using logic or architectural speedup techniques. The only instances where transistors
should be sized up is when the load capacitanee is domdnated by extrinsic capacitances (such as fan-out or
wiring capacitance). This is contrary to common desiga practices used in cel libraries, where transistors are
generally made large to accormmodate a range of loading and performance requirements.

These observations lead to an interesting design challenge. Assume we have to minimize the energy
dissipation of a circuit with a specified lower bound on the performance. An atiractive approach is to lower
the supply voltage as much as possible, and to compensate the loss in performance by increasing the transistor
sizes. Yet, the latter causes the capacitance to increase. It may be foreseen that at a low enough supply veltage,
the latter Factor may start to dominate and cause energy to increase with a further drop in the supply voliage.

|
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Example 5.13 Transister Sizing for Energy Minimization

To analyze the transistor sizing for a minimum energy problem, we examine the simple
case of a static CMOS inverter driving an external load capacitance C,,,, as in Figure 5.28.
To take the input loading effects into account, we assume that the inverter itself is driven
by & minimum-sized device, The goal is to minimize the energy dissipation of the com-
plete circuit, while maintaining a lower bound on performance. The degrees of freedom
are the size factor £ of the inverter and the supply voltage V;, of the circuit. The propaga-
tion delay of the optimized circuit should not be larger than that of a reference cireuit, cho-

sen to have as parameters f=tand V=V 0.

In Out
g Cgl £ f _Ii: Ce;t

Figure 5-28 CMOS inverter driving an external load capacitance G,
while being driven by a minimum sized gate.

Using the approach introduced in Section 5.4.3 (Sizing & Chain of Inverters), we can
derive the following expression for the propagation delay of the cireuit:

1A FD
I A B A Y G 3.44

AN YJ U (G-44)
here F = {C,/C,,} is the overall effective fan-out of the circuit, and 1,4 is the intrinsic
delay of the inverter. Its dependence upon Vjp is approximated by the following expres-
sion, derived from Eq. {5.21):

VDB
too— o (545)
T Vop=Vie
The energy dissipation for a single transition at the input is easily found once the total
capacitance of the cirenit is known:

E= "v’i‘.CgE({l +¥H1+ 71+ F) (5.46)

The performance constraint now states thae the propagation delay of the scaled circuit
should be equal {or smaller} te the delay of the reference circuit (f= 1, V= V3. To sim-
plify the subsequent analysis, we make the assumption that the intrinsic output capaci-
tance of the gate equals its gate capacitance, or v =1, Hence,

£ F
taot 2+ +—) 2 L
P 'G( i - !’VDD}(%‘VTE“( A =1 (5.47)
L r?(},ef@ +F) \V;.ef Vop— Y& \ I+ F
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Figure 5-29 Sizing of an inverter for enargy minimization. (a} Required supply

voltage as a function of the sizing factor f for different valugs of the overall effective

fan-cut F; (b) Energy of scaled cirouit (normalized with respect o the refsrence case)

asafunctionof £ V=28V, Vo =05V.
Equation {3.47} establishes a relationship between the sizing fector f and the supply volt-
age, plotted in Figure 5-29a for different values of . Those curves show a clear minimum.
Increasing the size of the inverter from the minimum initially increases the performance,
and hence allows for a lowering of the supply voltage. This is fruitful until the optimum
sizing factor of § = /F is reached, which should not surprise those who read the previ-
ous sections carefully. Further increases in the device sizes only increase the self-loading
factor, deteriorate the performance, and require an increase in supply voltage. Also,
observe that for the case of F = 1, the reference case is the best solution; any resizing just
increases the self-loading.

With the Vpo(f) relationship in hand, we can derive the energy of the scaled circult

{normalized with respect to the reference circuit} as a function of the sizing factor £

VooV 2 + 21 + FY
E,(f ( )L 4+F ) (545

:ef

Finding an analytical expression for the optimal sizing factor is possible, bui yields a com-
plex and messy eguation. A graphical approach is just as effective. The resclting charts are
plotted in Figure 5-29b, from which a number of conclusions can be drawa:®

» Device sizing, combined with supply voltage reduction, is a very effective
approach in reducing the energy consumption of a logic retwork. This is espe-
cially true for networks with large effective fan-outs, where energy reductions with
almost a factor of 10 can be obtained. The gain is also sizable for smaller values
of K. 'The only exception is the F = 1 case, where the minimum size device is also
the most effective one.

SWe will revisit some of these conclusiens in Chapter 11 in a broader context.
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» Oversizing the transistors beyond the optimal value comes at a hefty price in energy.
This is, unfortunately, a common approach in many of today’s designs.

« The optimal sizing factor for energy is smaller thar the one for performance, espe-
cially for large values of £. For example, for a fan-out of 20, f,, (enezgy} = 3.53,
while f, (performance} = 4.47. Increasing the device sizes only leads to a minimal
supply reduction once Vpp, starts approaching Vi, thus leading to very minimal
energy gains.

Dissipation Due to Direct-Path Currents

In actual designs, the assumaption of the zero rise and fall times of the input wave forms is not
correct. The finite slope of the input signal causes a direct current path between Vj, and GND
for a short period of time during switching, while the NMOS and the PMOS transistors are con-
ducting simultaneously. This is illustrated in Figure 5-30. Under the (reasonable) assumption
that the resulting current spikes can be approximated as triangles and that the inverter is sym-
metrical in its rising and falling responses, we can compute the energy consumed per switching
period as follows:

i ¢ I
E,gp = v{_},{} peak L VDDM =1, VDDIJMB.% (5.49)
2 2

We compute the average power consumption as

2
Pa’p = I VDDIpeak f: Csc VD}.}f (553}

The direct-path power dissipation is proportional to the switching activity, similar to the capaci-
tive power dissipation. ¢, represents the time both devices are conducting. For a linear input
slope, this time is reasonably well approximated by Eq. (5.51) where ¢, represents the 0-100%
transition time,

_ Vﬂu‘zvrI _ VDD—ZVTXfft_f)

¢, = 551
S T Vo 0T Vo 0S8 &1
v
T Voo = Vr
£ L
1—431 iy
Vr
f V:‘u 1, scl Vaﬁg ] ; !
JFE
I Cf-‘ isi.'sn /\
1 -
Figure 5-30 Short-circuit currents during transients.,
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L, 18 determined by the saturation current of the devices and is hence directly propor-
tional to the sizes of the transistors. The peak current is alsc a strong fonction of the ratio
between input and oufput slopes. This relationship is best iHustrated by the following simple
analysis: Consider a static CMOS inverter with 2 § — | transition at the input. Assume first that
the load capacitance is very large, so that the output fall time is significantly larger than the input
rise time {Figure 5-31a}. Under those circumstances, the input moves through the fransient
region before the cutput starts to change. As the source-drain voltage of the PMOS device is
approximately 0 during that period, the device shuts off without ever delivering any curreat. The
short-circuit current is closs to zero in this case. Consider now the reverse case, where the cutput
capacitance is very small, and the output fall time is substantially smaller than the input rise time
(Figure 3-31b). The drain-source voltage of the PMOS device equals Vi, for most of the transi-
tion pertad, guarantesing the maximal short-cirenit current {equal to the sawration carrent of the
PMOS). This clearly represents the worst case condition. The conclusions of the preceding anal-
ysis are confirmed in Figure 5-32, which plots the short-circuit current through the NMOS tran-
sistor during a low-to-high transition as a function of the load capacitance.

Voo Yoo
é gsc =0 i Isc = }MAX

T~ _L

ﬁ ’ O—I ysm ﬁin Vom

L I I
1

n

{a} Large capacitive load {b} Small eapacitive isad
Figure 5-31 Impact of load capacitance on short-circuit current.

x 1074

I (A)

e (s) X 30

Figure 5-32 CMOS inverter short-circuit current through NMOS fransistor as a function
of the lcad capacitance {for a fixed input slope of 500 psh.
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This analysis leads to the coaclusion that the short-circuit dissipation is minimized by
making the cutput rise/fall time larger than the input ris/fali time. On the other hand, making the
output rise/fall time too large slows down the circuit and can cause short-circuit currents in the
fan-cut gates. This prasents a perfect example of how local optimization and forgetting the glo-
bal picture can lead to an inferior solution.

A more practical role, which optimizes the power consumption in a global way, can be formulated
(FvesndrickB4]):

The power dissipation dee to short-circuit curreats is minimized by matching the rise/fall times of
the input and output signals. At the overall circuit level, this means that rise/fall times of all signals
should be kept constant within a range.

Making the input and output rise times of a gate identical is not the optimum: solution for that partic-
ular gate on its own, but keeps the overall shoré-circuit current within bounds. This is shown in Figure 5-33,
which plots the short-cireuit energy dissipation of an inverter (normalized with respect to the zero-input rise
time dissipation) as 2 function of the ratic » between input and output rise/fall times. When the load capaci-
tance is toc small for a given verter size (> 2...3 for Vo = 5 V3, the power is dominated by the short-
citeuit current. For very large capacitance values, all power dissipation is devoted to charging and discharg-
ing the load capacitance. When the rise/fali times of inputs and outputs are equalized, most power dissipa-
tion is associated with the dynamic power, and only a minor fraction (< 10%) is devoted to short-cireuit
carrents,

Observe also that the impact of short-circuit current is reduced when we lower the supply
voltage, as is apparent from Eq. {5.51). In the extreme case, when Vi, < Vi, + |V |, short-circuit dissipa-
tion is completely efiminated, because bath devices are never on simultaneously. With threshold voltages
scaling at a slower rate than the supply voltage, short-circuit power dissipation is becoming less important

8
i i i
7L WiLlp = 1.125 pmd/0.25 um
Wil|y = 0375 um/3.25 pm
&1~ €, =30 F
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Figure 5-33 Power dissipation of a static CMOS inverter as a function of the ratio between input
and output riseffall times. The power Is normalized with respect to zero input rise-time dissipation.
At low values of the slope ratio, input/output ecupiing leads to some extra dissipation.
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in deep submicron technologies. At a supply voltage of 2,5 V and thresholds around 0.5 ¥, an input/output
slope ratio of 2 is needed to cause a 10% degradation in dissipation. B

Finally, it is worth observing that the short-circuit power dissipation can be modeled by
adding a load capacitance C,, = #,, 1,/ Vpp In parallel with C;, as is apparent in Eq. (5.50). The
value of this short-circuit capacitance is a function of V., the transistor sizes, and the input/out-

put slope ratio.

55.2 Static Consumption

The static {or steady-state) power dissipation of a circuit is expressed by the relation
P = 1ya:Von (3.52)

where [, is the current that flows between the supply rails in the absence of switching activity.

Ideally, the static carrent of the CMOS inverter is equal to zero, as the PMOS and NMOS
devices are never on simultaneously in steady-state operation. There is, unfortunately, a leakage
current flowing through the reverse-biased diode junctions of the transistors, located between the
source or drain and the substrate, as shown in Figure 5-34. This contribution is, in general, very
small and can be ignored. For the device sizes under consideration, the leakage current per unit
drain area typically ranges between 10100 pA/um? at room temperature. For a die with 1 miilion
gates, each with a drain area of 0.5 im? and operated at a supply voltage of 2.5 V, the worst case
power constmption due to diode leakage equals 0.125 mW, which clearly is not much of an issue.

However, be aware that the junction leakage currents are caused by thermally generated
carriers. Their value increases with increasing junction temperature, and this occurs in an expo-
nential fashion. At 85°C (a commonly imposed upper bound for junction temperatures in com-
mercial hardware), the leakage currents increase by a factor of 60 over their room-temperature
values. Keeping the overall operation temperature of a circuit low is consequently a desirable
goal. As the temperature is a strong function of the dissipated heat and its removal mechanisms,
this can only be accomplished by limiting the power dissipation of the circuit or by using chip
packages that support efficient heat removal,

5
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Figure 5-34 Socurces of leakage currents in CMOS inverter (for V,, =0 V).
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Vi=02 V=06 Vs

Figure 5-35 Decreasing the threshold increases the subthreshold current at Yz =0.

An emerging source of leakage current is the subthreshold current of the transistors. As
discussed in Chapter 3, an MOS transistor can experience a drain-scurce cuirent, even when V¢
is smaller than the threshold voltage (see Figure 5-35). The closer the threshold voltage is to
zero volts, the larger the leakage cwrrent at Voo = 0V and the larger the static power consump-
tion. To offset this effect, the threshold voltage of the device has generally becn kept high
enough. Standard processes feature V, values that are never smaller than 0.5-0.6 V and that in
some cases are even substantially higher (~ 0.75 V).

This approach is being challenged by the reduction in supply voltageas that typically goes
with deep submicron technology scaling, as became apparent in Figure 3-41. We concluded ear-
Her {Figure 3-17) that scaling the sopply voltages while keeping the threshold voltage constant
results in an important loss in performance, especially when Vp, approaches 2 V.. One
approach to address this performance issue is to scale the device thresholds down as well. This
moves the curve of Figure 5-17 to the left, which means that the performance penalty for lower-
ing the supply voltage is reduced. Unfortunately, the thresheld voltages are lower bounded by
the amount of allowable subthreshold leakage cumrent, as demonstrated in Figure 5-35. The
choice of the thresheld voitage thus represents a trade-off between performance and static power
dissipation. The continued scaling of the sapply voltage predicted for the next generations of
CMOS technologies, however, forces the threshold voltages ever downwards, and makes sub-
threshold conduction a major source of power dissipation. Process technologies that contain
devices with sharper turn-off characteristics will therefore become more attractive. An example
of the latter is the SOI (Silicon-on-Insulater) technology whose MOS transistors have slope fac-
tors that are close io the ideal 60 mV/decade.

Example £.14 Impact of Threshold Reduction on Performance
and Static Power Dissipation

Consider a minimum size NMOS fransistor in the 0.23-um CMOS technology. In Chap-
ter 3, we derived that the slope factor S for this device equals 90 mV/decade, The off-
current (at Ve = 0) of the transistor for a Vi of approximately 0.5 V equals 1077 A
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{Figure 3-22). Reducing the threshold by 200 mV to 0.3 V multiplies the off-current of
the transistors with a factor of 170! Assuming a million gate design with a supply volt-
age of 1.5 V, this ranslates into a static power dissipation of 108 x 170 % 107 x 1.5 =
2.6 mW. A further reduction of the thresheld to 100 mV results in an unacceptable dis-
sipation of aimost 0.5 W1 At that supply voltage, the threshold reductions correspond fo
a performance improvement of 25% and 4%, respectively.

This lower bound on the thresholds is in some sense artificial. The idea that the leakage
current in a static CMOS circuit has to be zero is a misconception. Ceriainly, the presence of
Jeakage currents degrades the noise margins, because the logic levels are no longer equal 1o the
supply rails, but as long as the noise margins are within range, this is not a compelling issue. The
leakage currents, of course, cause an increase in static power dissipation. This is offset by the
drop in supply voltage, which is enabled by the reduced threshelds at no cost in performance,
and results in a quadratic reduction in dynamic power. For a G.25-um CMOS process, the fol-
lowing circuit configurations obtain the same performance: 3-V supply—0.7-V Vy; and 0.45-V
supply—0.1-V V. The dynamic power consumption of the latter is, however, 45 times smnaller
{Liu®3]! Choosing the correct values of supply and threshold voltages once again requires a
trade-off. The optimal operation point depends upon the activity of the circuit, In the presence of
g sizable static power dissipation, it is essential that nonactive modules are powered down, lest
stafic power dissipation would become dominant. Power-down (also called standby} can be
accomplished by disconnecting the unit from the supply rails, or by lowering the supply voltage.

553 Pautting it Al Together

The total power consumption of the CMOS inverter is now expressed ag the sum of its three
COMPOnEnts:

Pl‘f:lf = P({_}’).‘ + Pa’p + P:;,-G-; = {CLV.'E}D + VDDf;mﬂA'ts}f{}—a | + Vf).i'}[?e&k {553}

In typical CMOS circuits, the capacitive dissipation is by far the dominant factor. The direct-
path consumption can be kept within bounds by careful design, and thus should not be an issue.
Leakage is ignorable at present, but this might change in the not-too-distant futare.

The Power-Delay Product, or Energy per Operation

In Chapter 1, we introduced the power-delay product {(PDP) as a quality measure for a logic
gate:
PDP = P_1, {3.54)

The PDP presents a measure of energy, as is apparent from the units (W x s = Joule). Assuming
that the gate is switched at its maximum possible rate of ,,,, = 1/(2¢,), and ignoring the contribu-
ttons of the static- and direct-path currents to the power consumption, we find that

2
C.V
PDP = C Vi nd, = =28 (5.55)

HaxT§ 2
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Here, PDP stands for the average energy consumed per switching event (e, foral— l,ora
1 ~» O transition). Remember that earlier we had defined E | as the average energy per switching
cycle {or per energy-consuming event). As each inverter cycle contains a0 —» 1, anda 1l — 0
transition £, thus is twice the PDP.

Energy-Delay Produci

The validity of the PDP as a quality metric for a process technology or gate topology is ques-
tionable. It measures the energy needed to switch the gate, which is an important property. For a
given structure, however, this number can be made arbitrarily low by reducing the supply volt-
age. From this perspective, the optimum voltage to run the circuit would be the lowest possible
value that still ensures functionality. This comes at the expense of performance, as discussed ear-
lier. A more relevant metric should combine a measure of performance and energy. The energy-
delay product {or EDP)} does exactly that:

Z
CLVB}}!

EDP:PDP:(IP:P 5 »

= (5.56)

ar

It is worth analyzing the voltage dependence of the EDP. Higher supply voltages reduce
delay, but harm the energy, and the opposite is true for low voltages. An optimum operation point
should therefore exist. Assuming that NMOS and PMOS transistors have comparable threshoid
and saturation voltages, we can simplify the propagation delay expression Eq. (5.21} as

fp = m (5.5’?}
where Vi, = Vi + Vpgr/2, and o is a technology parameter. Combining Eg. (5.36) and Eg.
(5.57) yields

2.3
ol Vys

EDP = ——————
2(Vpp=Vre)

(5.58)

The optimum supply voltage can be obtained by taking the derivative of Eq. {5.58) with respect
1o Vpp, and equating the result to 0. The result is

Y opop: = §VT£ (5.59)

The remarkable outcome from this analysis is the low value of the supply voltage that
simultaneously optimizes performance and energy. For submicron technologies with thresholds
in the range of 0.3 V, the optimom supply is situated around 1V,

"This equation is only accurate as long as the devices remain in velocity saturation, which is probably not the case for
the lower supply voltages. This introduces seme inaccuracy in the analysis, but will not distort the overall result,
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Example 5,15 Optimum Supply Voltage for 11.25-um CMOS Inverter
From the technology parmmeters for our generic CMOS process presented in Chapter 3,
the value of ¥yy; can be derived as follows:
Vg, =043V, Vp 0 =063V, Vi, =074V
Vi, =04V, Vo =-1V, Vg, =-09V
Vig = (Vg + Vi 12 =08V
Hence, Vpp,,, = (3/2) X 0.8 V = 1.2 V. The simulated graphs of Figure 5-36, which plot
normalized delay, energy, and energy-delay product, confirm this result. The optimum

supply voliage is predicted to equal 1.1 V. The charts clearly illusirate the trade-off
between delay and energy.

i3 T
’g Energy Delay
z 0
3
&
)
g 5
S
;
t
;
g ! 1 I
4.5 1 i35 2 2.5
YooV}

Figure 5-36 Normalized delay, energy, and energy-delay plols for CMGS
inverier in 0.25-um CMOS technology.

WARNING: While the preceding example demonstrates that a supply voltage exists that mini-
mizes the energy-delay product of a gate, this voltage does not necessarily represent the opti-
mum voltage for a given design problem. For instance, some designs require a minimum
performance, which requires a higher voltage at the expense of energy. Similarly, a lower energy
design is possible by operating at a lower voltage and by obtaining the overall system perfor-
mance through the use of architectural techniques such as pipelining or concnrency.

5.5.4 Analyzing Power Consumption by Using SPICE

A definition of the average power consumption of a circuit was provided in Chapter 1, and is
repeated here for the sake of convenience. We write

T r

_ 1 _Vopr.
P = yjp(r)éf = J:DD{:)dr £5.60)

9 3
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Figure 5-37 Equivalent circult 1o measure average power in SPICE.

with T the period of mterest, and Vj,, and {5, the supply voltage and current, respectively. Some
implementations of SPICE provide built-in functions to measure the average value of a circuit
signal. For instance, the HSPICE MEASURE TRAN KVDD) AVG command compules the
area under a computed transient response {{{(VDD?}} and divides it by the period of interest. This
is identical to the definition given in Eq. {3.60). Other implementations of SPICE are, unforiu-
nately, not as powerful. This is not as bad as it seems, as long as one realizes that SPICE is actu-
ally a differential equation solver. A small circuit can easily be conceived that acts as an
integrator and whose output signal is nothing but the average power.

Consider, for instance, the circuit of Figure 5-37. The current delivered by the power sup-
ply is measured by the current-controlled current source and integrated on the capacitor C. The
resistance & is only provided for DC-convergence reasons and should be chosen as high as pos-
sible to minimize leakage. A clever choice of the element parameter ensures that the output volt-
age £, equals the average power consumption. The operation of the circuit 1s summarized in Eq.
under the assumption that the initial voltage on the capacitor € is zero:

arf

Ca ax = kiﬁD
or (5.61)
T
P(w = %J.iﬁﬂdz
¢

Equating Eq. (5.60) and Eq. vields the necessary conditions for the equivalent circuit
parameters: &/C = Vpp/T. Under these circumstances, the equivalent circuit shown presents a
convenieni means of tracking the average power in a digital circuit.

Example 516 Average Power of Inverter

The average power consumption of the inverter of Example 5.4 is analyzed using the
above technique for a toggle period of 250 ps (T = 250 ps, k= 1, ¥pp = 2.5V, hence
C = 100 pF). The resulting power consumption is plotted in Figure 5-38, showing an aver-
age power consumption of approximately 157.3 UW. The MEAS AVG command vields a
value of 160.3 UW, which demonstrates the approximate equivalence of both methods.
These numbers are eguivalent to an energy of 38 {1 (which is close to the 37.5 {I derived in
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Figure 5-38 Deriving the power consumption by using SPICE.

power (WY

Example 5.11). Observe the slightly negative dip during the high-to-low transition. This is
due te the injection of current into the supply, when the output briefly overshoets Va5 2
result of the capacitive coupling between input and cutput (as is apparent from in the tran-
sient response of Figure 5-16).

5.6 Perspective: Technology Scaling and its impact
on the Inverter Metrics

In Section 3.5, we have explored the impact of the scaling of technology on some of the impor-
tant design parameters, such as area, delay, and power. For the sake of clarity, we repeat bere
some of the most important entries of the scaling table (Table 3-8}.

The validity of these theoretical projections can be verified by looking back and observing
the trends during the past few decades. From Figure 5-39, we can see that the gate delay indeed
decreases exponentially at a rate of 13% per year, or halving every {ive years. This rate is on
eourse with the prediction of Table 5-4, since S averages approximately 1.15 as we had already

Table 5-4 Scaling scenarios for short-channel devices {S and U represent
the technology and voliage scaling parameters, respectively).

Full General Fixed-Voltage
Parameter Reiation Scaling Scaling Scaling

Area-Device Wel 1i52 1/s? 1i8*
Intrinsic Delay RCome LS 118 178
Ingrinsic Energy  C, g,m,Vz /5% 1S4 /s
Intrinsic Power Erergy-Delay 1787 et 11

Power Density P-Area 1 SYER 5
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Figure 5-39 Scaling of the gate delay (from [Daliy98]).

cbserved in Figure 3-40. The delay of a two-input NAND gate with a fan-out of four has gone
from tens of nanoseconds in the 1960s to a tenth of a nancsecond in the year 2000, and is pro-
jected to be a few tens of picoseconds by 2Gi{.

Reducing power dissipation has only been a second-order priority until recently. Hence,
statistics on dissipation per gate or design are only marginally available. An interesting chart is
shown in Figure 5-40, which plots the power density measured over a large number of designs
produced between 1980 and 1995. Although the variation is large—even for a fixed
technelogy-—it shows the power densily increasing approximately with S2 This is in corre-
spondence with the fixed-voltage scaling scenario presented in Table 5-4. For more recent
years, we expect a scenarie moye in line with the full-scaling model—which predicts a con-
stant power density—due to the accelerated supply-voltage scaling and the increased attention
to power-reducing design techniques. Even under these circumstances, power dissipation per
chip will continue to increase due to the ever-larger die sizes.

The scaling model presented has one major flaw, however, The performance and power pre-
dietions produce purely “intrinsic™ numbers that take only device parameters into account. In
Chapter 4, we concluded that the interconnect wires exhibit a different scaling behavior, and that
wire parasitics may come 1o dominate the overall performance. Similarly, charging and discharg-
ing the wire capacitances may dominate the energy budget. To get a crisper perspective, one has
to consiruct a combined model that considers device and wire sealing models simultaneously. The
impact of the wire capacitance and its scaling behavior is summarized in Table 5-5. We adopt the
fixed-resistance model introduced in Chapter 4. We furthermore assume that the resistance of the
driver dominates the wire resistance, which is definitely the case for short to medium-long wires.

The model predicts that the interconnect-caused delay {and energy) gain in importance with
the scaling of technslogy. This impact is limited to an increase with gc for short wires (8= 5, J, but
itbecomesincreasinglymoresignificantformedium-range andlongwires(S; <§}. Theseconclusions
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Figure 5-40 Evoluiion of power densily in micro- and DSP processors, as
a function of the scaling factor S {({Kuroda8s]h. Sis normalized to 1 fora 4um
pProcess.

Table 5-5 Scaling scenarlos for wire capacitance. § and { represent the technology and
voltage scaling parametars, respectively, while &, stands for the wire-length scaling factor. g,
represents the impact of fringing and interwire capacitances.

Parameter Relation General Scaling
Wire Capacitance WiLa [WAYS
Wire Delay R..Chs AT
Wire Energy G, V* AN
Wire Delay [ Intrinsic Delay €855,
Wire Energy £ rinsic Energy £.55;

have been confirmed by a number of studies, an exampie of which is shown in Figure 5-41. How
the ratio of wire over intrinsic contributions will actually evolve is debatable, as it depends upon
awiderangeof independent parameters, suchas system architecture, designmethodology, transistor
sizing, and interconnect materials. The doomsday scenario thatinterconnect may cause CMOS per-
formance tosaturateinthe very near future may very wellbeexageerated. Yet, itisclearthatincreased
attentiontointerconnectisanabsolutenecessity,and maychangethewaythenext-generationcircuits
are designed and optimized (e.g., [Sylvester981}.
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Figure 5-41 Evolution of wire delay-fo-gate delay ratio with respsct
tc technology {irom [Fisher38].

5.7 Summary

This chapter presented a rigorons and in-depth analysis of the static CMOS inverter. The key
characteristics of the gate are summarized as follows:

= The static CMOS inverter combines a pull-up PMOS section with a pull-down NMOS
device. The PMOS is normally made wider than the NMOS due 1o its lower current-
driving capabilities.

+ The gate has an almost ideal volage-transfer characteristic. The logic swing is equal to the
supply voltage and is not a function of the transistor sizes. The noise margins of a symmet-
rical inverter (where PMOS and NMOS transistor have equal current-driving strength)
approach Vpp/2. The steady-state response is not affected by fan-out.

« Its propagation delay is dominated by the time it takes to charge or discharge the load
capacitor C, . To a first erder, it can be approximated as follows:

Rema + Re(m
t,r; = {)696};("—'—"‘2—"—'—)

Keeping the load capacitance small is the most effective means of implementing high-per-
formance circuits. Transistor sizing may help to improve performance as long as the delay
is dominated by the extrinsic (or load) capacitance of fan-out and wiring.

* The power dissipation is dominated by the dynamic power consumed in charging and dis-
charging the load capacitor. It is given by P,_,, C;V;p°f The dissipation is proportional to
the activity in the network. The dissipation due to the direct-path curzenis occurring during
switching can be limited by careful tailoring of the signal slopes. The static dissipation
usually can be ignored, but might become 2 major factor in the future as 2 resolt of sub-
tareshold corrents.
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5.8 To Probe Further 233

» Scaling the technology is an effective means of reducing the area, propagation delay and
power consamption of a gate. The impact is even more striking if the supply veoltage is
scaled simuitanecusly.

» The interconnect component is gradually taking a larger fraction of the delay and perfor-
mance budget.

5.8 To Probe Further

The operation of the CMOS inverter has been the topic of numerous publications and textbooks,
Virtually every book on digital design devotes a substantial number of pages to the analysis of
the basic inverter gate. An extensive list of references was presented in Chapter 1. Some refer-
ences of particular interest that we quoted in this chapter follow.
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Exercises and Design Problems

REMINDER: Please refer to htipi/bwre.eecs.berkeley.eduficBook for ap-to-date problem sets, design problems, and
exercises. By making the exercises electronically avatlable instead of ia print, we can provide s dynamic envirenment
that tracks the rapid svolution of today’s digital integrated circuit design technology.
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6.1 Introduction

The design considerations for a simple inverter circuit were presented in the previous chapter.
We now extend this discussion io address the synthesis of arbitrary digital gates, such as NOR,
NAND, and XOR. The focus is on combinaticnal logic or nonregenerative circuits—that is, cir-
cuits having the property that at any point in time, the output of the circuit is related to its current
input signals by some Boolean expression {assuming that the transients through the logic gates
have settled). No intentional connection from outputs back to mputs is present.

This is in contrast to another class of circuits, known as seguential or regenerative, for
which the cutput is not only a function of the current input data, but also of previous values of
the input signals (see Figure 6-1). This can be accomplished by connecting one or more cutputs
intentionally back to some inputs. Consequently, the circuit “remembers” past events and has a
sense of history. A sequential circuit includes a combinational logic portion and a module that
holds the state. Example circuits are registers, counters, oscillators, and memory. Sequential cir-
cuits are the topic of the next chapter.

There are numerous circuit styles to implement a given logic function. As with the
inverter, the commeon design metrics by which a gate is evaluated are area, speed, emergy, and
power. Depending on the application, the emphasis will be on different metrics. For example, the
switching speed of digital circuits is the primary metric in a high-performance processor, while
in a battery operated circuit, it is energy dissipation. Recently, power dissipation also has
become an important concern and considerable emphasis is placed on understanding the sources
of power and approaches to dealing with power. In addition to these metrics, robustness to noise
and reliability are also very important considerations. We will see that certain logic siyles can
significantly improve performance, but they usually are more sensitive {0 noise.

6.2 Static CMOS Design

The most widely used logic style is static complementary CMOS. The static CMOS style is
really an extension of the static CMOS inverter to multiple inputs. To review, the primary advan-
tage of the CMOS structure is robustness (i.¢.. low sensitivity to noise), good performance, and
low power consumption with no static power dissipation. Most of those properties are carried
over to large fan-in logic gates implemented using a similar circuit topology.

State

{a} Combinational (b) Sequential
Figure 6-1 High-level classification of legic circuits.
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6.2 Static CIAOS Design 237

The complementary CMOS circuit style falls under a broad ciass of logic circuits called
static circuits in which at every point in fime, each gate entput is connected to either ¥V, or
Vs via a low-resistance path. Alse, the outputs of the gates assume at all times the value of the
Boolean function implemented by the circuit {ignoring, the transient effects doring switching
periods). This is in contrast to the dynwaic circuit class, which relies on temporary storage of
signal valnes on the capacitance of high-impedance circuit nodes. The latter approach has the
advantage that the resulting gate is simpler and faster. Its design and operation are, however,
more involved and prone to failure because of increased sensitivity to neise.

In this secticn, we sequentially address the design of various static circuit flavors, includ-
ing complementary CMOS, ratioed logic (pseudo-NMOS and DCVSL), and pass-transistor
fogic. We also deal with issues of scaling to lower power supply voltages and threshold
voltages,

6.21 Complementary CMOS

Concept

A static CMOS gate is a combination of two networks—the pull-up nerwork (PUN} and the pull-
down network (PDN), as shown in Figure 6-2. The figure shows a generic N-input logic gate
where all inputs are distributed to both the pull-up and pull-down networks. The function of the
PUN is to provide a connection between the output and ¥V, anytime the output of the logic gate
is meant to be 1 (kased on the inputs). Similarly, the function of the PDN is to connect the cutput
to Vs when the output of the logic gate is meant to be (0. The PUN and PDN networks are con-
structed in 2 mutually exclusive fashion such that one and only one of the networks is conduct-
ing in steady state. In this way, once the transients have settled, a path always exists between Vip
and the output F for a high output {"one”), or between Vg and F for a low output {“zera™). This
is equivalent to stating that the output node is always a fow-impedance node in steady state,

Vop

L

Prff-up: make a conneciion from ¥y to Fwhen
Flng, Ing .. dn) =1

b {1y, Ity o F11,)

Putl-down: make a connection from Vg to Voo when
Filny Ing, ..in,) =0

1

Vss

Figura 6-2 Complementary logic gale as a combination of a PUN
{puli-up network) and a PDN {pull-down network),
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238 Chapter 6 « Designing Combinational Logic Gates in CMOS

In constructing the PDN and PUN networks, the designer should keep the following
observations in mind:

* A transistor can be thought of as a switch controlled by its gate signal. An NMOS switch
is on when the controlling signal is high and is off when the controlling signal is low, A
PMOS transistor acts as an inverse switch that is on when the controlling signal is low and
off when the controlling signal is high.

» The PDN is constructed using NMOS devices. while PMOS transistors are used in the
PUN. The primary reason for this choice is that NMGS transistors produce “strong zeros,”
and PMOS devices generate “strong ones.” To illustrate this, censider the examples shown
in Figure 6-3. In Figure 6-3a, the output capacitance is initially charged to V5. Two possi-
ble discharge scenarios are shown. An NMOS device pulls the output all the way down to
(GND, while a PMOS lowers the output no further than !ifg,)]—the PMOS wrns off at that
point and stops contributing discharge current. NMOS transistors are thus the preferred
devices in the PDN. Similarly, two alternative approaches to charging up a capacitor are
shown in Figure 6-3b, with the output initially at GND. A PMOS switch succeeds in
charging the outpat all the way to Vp, while the NMOS device fails to raise the ouiput
above V,;, — V. This explains why PMOS transistors are preferentially used in a PUN.

» A set of rules can be derived to construct logic functions {see Figure 6-4). NMOS devices
connected in series correspond to an AND function. With all the inputs high, the series
combination conducts and the value at one end of the chain is transferred to the other end.
Similarly, NMOS transistors connected in parallel represent an OR function. A conducting
path exists between the output and input terminal if at least one of the inputs is high. Using
similar arguments, construction rules for PMOS networks can be formulated. A series con-

l[‘m«

{2} Pulling down a aode by using NMOS and PMOS switches

i

i
i

¥ q
o8 ——{ G—}VDB_VTB = @—}Ym)

Cur
Ot

;LCL Ic_g_

{b) Pulling down a node by using NMOS and PMOS switches

Figure 6-3 Simple examples Hliustrate why an NMOS should be
used as a pull-down, and a PMOS should be used as a pull-up device.
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B A
Series combination _L i A _] Parallel combination
conducts if A - B conducts [FA + B
(a} Series {b) Paraliel

Figure 6-4 NMOS logic rules—serias davices implement an AND, and parallel
devices implement an OR.

neetion of PMOS conduets if both inputs are low, representing a NOR function (A - B =
A + B), while PMOS transistors in parallel implement a NAND A + B=A - B).

* Using De Morgan’s theorems (A + 5 =A-Band A - B=A + B), it can be shown that the
pull-up and pull-down networks of a complementary CMOS structure are dual networks.
This means that a parallel connection of transistors in the pull-up network correspondsto a
series connection of the corresponding devices in the pull-down network, and vice versa,
Therefore, to construct a CMOS gate, one of the networks (e.g., PDN) is implemented
using combinations of series and parallel devices. The other network {i.e., PUN) is
cbtained using the duality principle by walking the hierarchy, replacing series subnets
with paraliel subnets, and parallel subnets with series subnets. The complete CMOS gate
18 constructed by combining the PDN with the PUN,

» The complementary gate is paturally inverting, implementing only functions such as
NAND, NOR, and XNOR. The realization of a noninverting Boolean function (such as
AND OR, or XOR) in a single stage is not possible, and requires the addition of an exira
inverter stage.

* The number of transistors required to implement an A-input logic gate is 2N.

Example 6.1 Two-Input NAND Gate

Figure 6-5 shows a two-input NAND gate (7 = A - B). The PDN network consists of iwo
NMOS devices in series that conduct when both & and B are high. The PUNN is the dual

Figure 8-5 Two-input NAND gate in complementary slatic CMOS styls.
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natwork, and it consists of two parallel PMOS fransistors. This means that Fis TifA =0
or B = 0, which is equivalent to F = A - B. The truth table for the simple two input NAND
gate is given in Table 6-1. It can be verified that the output F is always connected to either
Vpp 01 GND, but never to both at the same time.

Table 6-1 Truth Table for two-Input NAND.

A B8 F
g g 1
0 i i
1 i ]
H i 0

Example 6.2 Synthesis of Complex CMOS Gate

Using complementary CMOS logic, consider the synthesis of a complex CMOS gate
whose fanctionis F =D + A - (B + C). The first step in the synthesis of the logic gate is to
derive the pull-down network as shown in Figure 6-6a by using the fact that NMOS
devices in series implements the AND function and parailel device implements the OR
function. The next step is to use duality to derive the PUN in a hierarchical fashion, The
PDN network is broken into smaller networks (i.e., subset of the PDN) called subnets that
simplify the derivation of the PUN. In Figure 6-6b, the subnets (SN) for the pull-down net-

VDD VDD

c-4
5

F
{a) Pull-down network (b} Deriving the pull-up network A "I

hierarchicaily by identifying D _|
subnets

8| c

{c} Complete gate
Figure 6-6 Complex complernentary CMOS gate.
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work are identified. At the top level, SNt and SN2 are in parallel, so that in the dual net-
work they will be in series. Since SN1 consists of a singie transistor, it maps directly to the
puli-up network. On the other hand, we need to sequentially apply the duality tules to
SN2, Inside SN2, we have SN3 and SN4 in series, so in the PUN they will appear in paral-
lel. Finally, inside SN3, the devices are in parallel, so they appear in series in the PUN.
The compiete gate is shown in Figure 6-6¢. The reader can verify that for every possible
input combination, there always exists a path to either ¥V, or GND.

Static Properties of Complementary CMOS Gates

Complementary CMOS gates inherit all the nice properties of the basic CMOS inverter. They
exhibit rail-to-rail swing with Vg, = Vi ; and V,,, = GND. The circuits also have no static power
dissipation, since the circuits are designed such that the pull-down and pull-up networks are
mutually exclusive. The analysis of the DC voltage transfer characteristics and the noise margins
is more complicated than for the inverter, as these parameters depend upon the data input pat-
terns applied fo gate,

Consider the static two-input NAND gate shown in Figure 6-7. Three possible input com-
binations switch the output of the gate fromhightolow: (8} A=8=0—> 1, (b)A=1,B=0-1,
snd (¢} B= 1, A =0 — 1. The resuliing voltage transfer curves display significant differences.
The large variation between case {a) and the others (b and ¢} is explained by the fact that in the
former case, both {ransistors in the pull-up network are on simultancously for A = B = 0, repre-
senting a strong pull-up. In the latter cases, only one of the pull-up devices is on. The VTC is
shifted to the left as a result of the weaker PUN,

The difference between (b) and {c) results mainly from the state of the infernal node int
between the two NMOS devices. For the NMOS devices to turn on, both gate-to-source voltages

VDD 3.6 d H T T

3.0

b’:“.‘i" V

Figure 8-7 The VTC of a twe-input NAND is data dependent. NMOS devices
are 0.5 pm/0.25 um while the PMOS devices ara sized at 0.75 pm0.25 pm.
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must be above Vi, with Vg =V, — Vg, and Vg = V. The threshold voltage of transistor
will be higher than transistor M, due to the body effect. The threshold veltages of the two
devices are given by the following equations: -

VT,IQ + -f((ﬁq)f{ + v;‘m} - '\/12@‘!1} (6-E}
VTr{l = VTM{) (6'2}

VTn 2

For case {b), M, is turned off, and the gate voltage of M, is set to Vp,,. To a first order, M,
may be considered as a resistor in series with 3. Since the drive on M, is large, this resistance is
small and has only a small effect on the voltage tansfer characteristics. In case (¢), transistor M,
acts as a resistor, causing a Vy increase in 3, due to body effect. The overall impact is quite
small, as seen from the plot.

The important point to take away from the preceding discussion is that the noise margias are input/
pattern dependent. In Example 6.2, a glitch on only one of the two inputs has a larger chance of creating a
false transition at the output than if the glitch were to occur on both inputs simultarecusly. Therefore, the
former condition has a lower low-noise margin. A comumon practice when characterizing gates such as
NAND and NOR is to connect all the inputs together. Unfortunately, this does not represent the worst case
static behavior; the data dependencies should be carefully modeled. 5

Propagation Delay of Complementary CMOS Gates

The computation of propagation delay proceeds in a fashion similar to the static inverter, For the
purpose of delay analysis, each transistor is modeled as a resistor in series with an ideal switch.
The value of the resistance is dependent on the power supply voltage and an equivalent large sig-
nal resistance, scaled by the ratio of device width over length, must be used. The logic is trans-
formed into an eguivalent RC network that includes the effect of internal node capacitances.
Figure 5-8 shows the two-input NAND gate and its equivalent RC switch level model. Note that
the internal node capacitance C, —attributable to the source/drain regions and the gate overlap
capacitance of M, and M,—is included here. While complicating the analysis, the capacitance of
the internal nodes can have quite an impact in some networks such as large fan-in gates. In a first
pass, we ignore the effect of the internal capacitance.

A simple analysis of the model shows that, similarly to the noise margins, the propaga-
tion delay depends on the input patterns. Consider, for instance, the low-to-high transition.
Three possible input scenarios can be identified for charging the output to V. 1 both inputs are
driven low, the two PMOS devices are on. The delay in this case is C.69 X (R,/2y X (7, since the
two resistors are in parallel. This is not the worst case low-to-high transition, which oceurs when
only one device turns on, and is given by 0.69 X R, x C7. For the pull-down path, the output is
discharged only if both A and B are switched high, and the delay is given by 0.69 X (2Ry) X C; to
a first arder. In other words, adding devices in series slows down the circuit, and devices must be
made wider to avoid a performance penalty. When sizing the transistors in a gate with multiple
inputs, we should pick the combination of inputs that triggers the worst case conditions,
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{a) Two-input NAND (b} RC-equivalent model
Figure 5-8 Equivaient AC model for a two-input NAND gate.

For the NAND gate to have the same pull-down delay (z,,) as a minimum-sized inverter,
the NMOS devices in the PDN stack must be made twice as wide so that the equivalent resis-
tance of the NAND pull-down network is the same a8 the inverter, The PMOS devices can
remain unchanged.!

This first-order analysis assumes that the extra capacitance introduced by widening the
transistors can be ignored. This is not a good assumption, in general, but it allows for a reason-
able first cut at device sizing.

Example 6.3 Delay Dependence on Input Patterns

Consider the NAND gate of Figure 6-8a. Assume NMOS and PMOS devices of 0.5 pm/
0.25 pm and 0.75 um/0.25 pm, respectively. This sizing should result in approximately
equal worst case rise and fall times (since the effective resistance of the pull-down is
designed to be equal to the pull-up resistance).

Figure 6-9 shows the simulated low-to-high delay for different inpui patterns, As
expected, the case in which both inputs transition go low (A = B=1 —> () resulis in a
smailer delay, compared with the case in which only one input is driven low, Notice that
the worst case low-to-high delay depends upon which input (A or B) goes low. The reason
for this involves the internal node capacitance of the pull-down stack (i.e., the source
of M.}, For the case in which B = 1 and A transitions from 1 — 0, the pull-up PMOS
device only has to charge up the output node capacitance (34, is turned off). On the other
hand, for the case in which A = 1 and B transitions from 1 — 0, the pull-up PMOS device

Vin deep-submicron processes, even larger increases in the width are needed due to the on-set of velocity saturation. For
a two-input NMAND, the NMOS transistors should be made 2.5 times as wide instead of 7 times,
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Figure 6-9 Example showing the delay dependence on input patterns.

has to charge up the sum of the ocutput and the internal node capacitances, which slows
down the transition.

The table in Figure 6-9 shows a compilation of various delays for this circuit. The
first-order transistor sizing indeed provides approximately equal rise and fall delays. An
important point to note is that the high-to-low propagation delay depends on the initial
state of the internal nodes. For example, when both inputs transition from 0 — 1, it is
important to establish the state of the internal node. The worst case happens when the
internal node is initially charged op to Vpp — Vo, which can be ensured by pulsing the A
input from | — 0 — 1, while input B only makes the & — 1 transition. In this way, the
internal node is initialized properly.

The important point to take away from this example i3 that estimation of delay can
be fairly complex, and requires a carefis! consideration of internal node capacitances and
data patterns. Care must be taken to model the worst case scenario in the simulations. A
brate force approach that applies all possible input patterns may not always woik, because
it is important to consider the state of internal nodes.

The CMOS implementation of a NOR gate (F = A + B) is shown in Figure 6-10. The out-

put of this network is high, if and only if both inputs A and B are low. The worst case pull-down
transition happens when only one of the NMGS devices turns on {i.s., if either A or 5 is high).
Assume that the goal is to size the NOR gate such that it has approximately the same delay as an
inverter with the following device sizes: NMOS of 0.5 pm/0.25 um and PMOS of 1.5 pm/
0.25 um. Since the pull-down path in the worst case is a single device, the NMOS devices (¥,
and M, can have the same device widths as the NMOS device in the inverter, For the output to
be pulled high, both devices must be turned on. Since the resistances add, the devices must be
made two times larger compared with the PMOS in the inverter (1.e., 3 and M, must have a size
of 3 um/0.25 wm). Since PMOS devices have a lower mobility relative to NMOS devices, stack-
ing devices it series must be avoided as much as possible. A NAND implementation is clearly
preferred over s NOR implemeniation for implementing generic logic.
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Figure 6-10 Sizing of a NOR gate.

Problem 6.1 Transistor Sizing in Complementary CMOS Gates

Determine the sizes of the transistors in Figure 6-6c such that it has approximately the samme s, and 1, as
an inverter with the following sizes: NMOS: 8.5 um/0.25 ym and 2 PMOS: 1.5 pm/0.25 um.

So far in the analysis of propagation delay, we have ignored the effect of internal node
capacitances. This is often a reasonable assumption for a first-order analysis. Howsever, in more
complex logic gates with large fan-ins, the internal node capacitances can become significant.
Consider a four-input NAND gate, as drawn in Figure 6-11, which shows the equivaleat RC
model of the gate, including the internal node capacitances. The internal capacitances consist of
the junction capacitances of the transistors, as well as the gate-to-source and gate-to-drain
capacitances. The latter are turned into capacitances to ground using the Milier equivalence. The
delay analysis for such a circuit involves solving distributed RC networks, a problem we aiready
encountered when analyzing the delay of intercennect networks, Consider the pull-down delay
of the circuit. The output is discharged when all inputs are driven high. The proper mitial condi-
tions must be placed on the internal nodes (i.e., the internal nodes must be charged to Vi — Vi)
betore the inputs are driven high.

The propagation delay can be computed by using the Elmore delay model:

?;JHL - G.ﬁg(Ri * Cl +(R] + Rz} . Cz‘é‘ {R] +R2"§"R3} - CQ‘*‘{R; + Rz"i"gg +.R4_:3 M CL) {6.3)

Notice that the resistance of M, appears in all the terms, which makes this device espe-
cially important when attempting 1o minimize delay. Assuming that all NMOS devices have an
equal size, Eq. (6.3) simplifies to
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L

Figure 6-11 Four-input NAND gate and its AC model.

Example 6.4 A Four-Input Complementary CMOS NAND Gate

in this example, we evaluate the intrinsic {or unloaded} propagation delay of a four-input
NAND gate (without any loading) is evaluatedusing hand analysis and simulation. The
layout of the gate is shown in Figure 6-12. Assume that all NMOS devices have a W/L of
0.5 uro/(L25 um, and all PMOS devices have a device size of 0.375 um/0.25 um. The
devices are sized such that the worst case rise and fall times are approximately equal to a
first order {ignoring the internal node capacitances).

By using technigues similar to those empleved for the CMOS inverter in Chapter 5,
the capacitance values can be computed from the layout. Notice that in the puli-up path,
the PMOS devices share the drain terminal, in order to reduce the overall parasitic contri-
bution. Using our standard design rules, we find that the area and perimeter for various
devices can be easily computed, as shown in Table §-2.

In this example, we focus on the pull-down delay, and the capacitances will be
computed for the high-to-low transition at the output, While the output makes 2 transi-
tion fram Vpp to 0, the internal nodes only transition from Vpp, — Vi, to GND. We need
to linearize the internal junction capacitances for this voltage transition, but, to sim-
plify the analysis, we use the same K g for the internal nodes as for the output node.
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Figure 6-12 Layout a four-input NAND gate in complementary CMOS. Sese also
Colorplate 7.

Table 6-2  Area and perimeter of iransistors in four-input NAND gate.

Transistor W {pm) AS (zm?) AD (um?) PS (um) PD (pm}
1 4.5 03125 0.0625 1.75 0.25
2 4.5 6.0625 0.0625 0.25 0.25
3 0.5 {.0625 0.0625 0.25 0.25
4 8.5 0.0625 0.32125 0.25 1.75
5 8375 4297 0172 1.875 0.875
6 8.375 G172 (0.172 0.875 0.873
7 8375 0.172 0.172 0.875 0.875
8 $.375 (.297 0,172 1.875 0.873

It is assumed that the output connects to a single, minirum-size inverter. The effect
of intracell routing, which is small, is ignored. The various contributions are summarized
in Table 6-3. For the NMOS and PMOS junctions, we use K, =0.57, K, ., = 0.61, and
K., =0.79, K, = 0.86, respectively. Notice that the gate-to-drain capacitance is mul-

B4
tiptied by a factor of two for all internal nodes as well as the cutput node, to account
for the Miller effect. (This ignores the fact that the internal podes have a slightly

smaller swing due to the threshold drop.}
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Table 6-3 Computation of capacitances for high-to-low transition at the cutput. The table shows
the intrinsic detay of the gate without extra Joading. Any fan-ouf capacitance would simply be
added 1o the C; term.

Capacitor Contributions (M — L) Value fFY (H — L)

i

Cu+ Cat 2% Cogy +27 Cp (0.57 * 0.0625 * 2 + 0.61 % 0.25 * 0.28) +
(0,57 * 0.0625 * 2+ 0.6] * 0.25% D.28) +
2% (0.31 * 0.5+ 2% (0.31 * 0.5)=0.85 fF

c2 Cir+ C 427 Cup+2% C o (0.57 % 0.0625 % 2 + 0.61 * 0.25 % 0.28) +
{0.57 * 0.0625 * 2+ 0.61 * 0.25* 0.28) +
2% (031 * 0.5+ 2 *{0.31 * 0.5) =085 R
c3 Cps+ Cou+ 2% Cop+2% Coy (0.57 % 0.0625 * 2+ 0.61 * 0.25 * 0.28) +
(0.57 * 0.0625 = 2+ 0.61 * 0.25% 0.28) +
2% (031 % 0.5)+2 (031 % 0.5)=085fF
CL Cos+2% Cpgg+ Cas+ Cg+ Cp (057 ¥03125% 2+ 0:61 * 1.75 %0.28) +
+Cgg 4 2% Cogs 42 % Coe 2% (0,31 % 0.50+ 4 * (0.79 * 0.171875* 1.9+ 0.86
$25 Cogr # 2% Cpgy *0.875 % 0220+ 4% 2 (0.27 * 0.375) = 3.47 [F

=Cd4+4*cn:5-i-4”=2*fgdﬁ

Using Eq. (6.4}, we compute the propagation delay, as follows:

Toit, = (}.69(1-3--21253)(0.85 fF+2-083{F+3-085fF+4 -347fF) = 85 ps

The simulated delay for this particular wransition was found to be 86 ps! The hand
analysis gives a fairly accurate estimate, given all of the assumptions and lineariza-
tions that were made. For example, we assume that the gate-source (or gate—drain)
capacitance only consists of the overlap component. This is not entirely the case,
because, during the transition, some other contributions come in place depending upon
the operating region. Once again, the goal of hand analysis is not to provide a totally
accurate delay prediction, but rather to give intuition into what factors influence the
delay and to aid in initial transistor sizing. Accurate timing analysis and transistor opti-
mization is usually done using SPICE. The simulated worst case low-to-high delay
time for this gate was 106 ps.

While complementary CMOS is a very robust and simple approach for implementing

logic gates, there are two major problems associated with using this style as the complexity of
the gate {i.e., fan-in) increases. First, the number of transistors required to implement an N fan-in
gate is ZN. This can result in & significanily large implementation area.
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Figure 6-13 Propagation delay of CMOS NAND gate as a function of fan-in.
A fan-out of ona inverter is assumed, and all puli-down transistors are minimal size.
The second problem is that propagation delay of 2 compiementary CMOS gate deteriorates rap-

idly as a function of the fan-in. In fact, the unfeaded intrinsic delay of the gate is, at worst, a
guadratic function of the fan-in.

» The large number of transistors (2N) increases the overall capacitance of the gate. For an
N-input gate, the intrinsic capacitance increases linearly with the fan-in. Consider, for
instance, the NAND gate of Figure 6-11. Given the linear increase in the number of PMOS
devices connected to the output node, we expect the low-to-high delay of the gate to
increase linearly with fan-in—while the capacitance goes up linearly, the puil-up resis-
tance remains unchanged.

» The series connection of transistors in either the PUN or PDN of the gate causes an addi-
tional slowdown. We know that the distributed RC netwerk in the PDN of Figure 6-11
comes with 4 delay that is quadratic in the number of elemesnts in the chain. The high-to-
low delay of the gate should hence be a quadratic function of the fan-in.

Figure 6-13 plots the (intrinsic) propagation delay of a NAND gate as a function of fan-in
assuming 2 fixed fan-out of one inverter (NMOS: 0.5 jim and PMOS: 1.5 pm). As predicted, £,
is & linear function of fan-in, while the simultaneous increase in the pull-down resistance and the
load capacitance cause an approximately quadratic relationship for ¢,.,. Gates with a fan-in
greater than or equal to 4 become excessively slow and must be avoided.

The designer has a number of techniques at his disposition to reduce the delay of large fan-in circuits:

» Transistor Sizing The most obvious solution is fo increase the ransistor sizes. This lowers the resis-
tance of devices in series and lowers the time constants, However, increasing the transistor sizes results
in larger parasitic capacitors, which not only affect the propagarion delay of the gate in question, but
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Figure 6-14 Progressive sizing of transistors in large transister chains
copes with the exira load of internal capacitances.

also present a larger load to the preceding gate. This technique should therefore be used with caution.
If the load capacitance is dominated by the intrinsic capacitance of the gate, widening the device only
creates a “seif-loading” effect, and the propagation delay is unaffected. Sizing is only effective when
the toad is dominated by the fan-out, A more comprehensive approach toward sizing transistors in
complex UMOS combinational neiworks is discussed in the next secticn.

» Progressive Transistor Sizing  An alternate approach to uniform sizing (in which each transis-
tor is scaled up uniformly), is to use progressive transistor sizing (Figure 6-14). Referring back to
Eq. (6.3}, we see that the resistance of M, {R,) appears & times in the delay equation, the resistance
of M, (R,) appears N — 1 times, ete. From the equaton, it is clear that &, should be made the small-
est, R, the next smallest, ste. Consequently, a progressive scaling of the transistors is beneficial: &,
> M, > M; > M, This approach reduces the dominant resistance, while keeping the increase in
capacitance within bounds. For an excellent ireatrnent on the optimal sizing of transistors in a com-
plex network, we refer the interested reader to [Shoji88, pp. 131-143]. You should be aware, how-
ever, of one important pitfail of this approach. While progressive resizing of transistors is relatively
easy in a schematic diagram, it is not as simple in a real layout. Very often, design-rule consider-
ations force the designer to push the transistors apart, which causes the internal capacitance to grow.
This may offset all the gains of the resizing!

« Input Reordering Some signals in complex combinational logic blocks might be more critical
than others. Not all inputs of a gate arrive at the same time (due, for instance, to the propagation
delays of the preceding logical gates). An input signal to a gate is called ¢ritice! i€ it is the last signal
of all inputs to assume a stable value. The path through the logic which determines the ultimate
speed of the structure is called the critical path.

Puwiting the critical-path transistors closer to the output of the gate can resulf in a speed up, as
demonstrated In Figure 6-15. Signal /i) is assumed 1o be a critical signal. Suppose further that In;
and In, are high, and that 7z, undergoes a 0 - 1 transition. Assume alse that £, is initially
charged high. In case (a}, no path to GND exists untl M, is turned on, which, unfortunately, is
the last event to happen. The delay between the arrival of /r) and the output is therefore deter-
mined by the time it takes to discharge C;, €; and Cs. In the second case, Cy and C, are already
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Figure 6-15 Influsnce of transistor ordering on delay.
Signal In, is the critical signal.
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Figure 8-16 Logic restructuring can reduce the gate fan-in.

discharged when fr, changes. Only C, still has to be discharged, resulting in a smaller delay.

*» Legic Restructuring Manipulating the logic equations can reduce the fan-in requirements and
thus reduce the gate delay, as illustrated in Figure 6-16. The quadratic dependency of the gate delay
on for-in makes the six-input NOR gate extrernely slow. Partitioning the NOR gate into two three-
input gates results in a significant speedup, which by far offsets the extra delay incurred by turning
the inverter into a two-input NAND gate. B

Optimizing Performance in Combinational Networks

Eaglier, we established that minimization of the propagation delay of z gate in isolation is a
purely academic effort. The sizing of devices should happen in its proper context. In Chapter 5,
we developed a methodology to do so for inverters. We also found that an optimnal fan-out for a
chain of inverters driving a load C; is (C,/C;,)'™, where ¥ is the number of stages ir the chain,
and C,, the input capacitance of the first gate in the chain. I we have an opportunity to select the
number of stages, we found out that we would like to keep the fan-out per stage around 4. Can
this result be extended 1o determine the size of any combinational path for minimal delay? By
extending our previous approach to address complex logic networks, we find out that this is
indeed possible {Sutherland99].2

*The approach introduced in this section is commenly called logical effort, and was formally introduced in
{Suthertand99], which presents an extensive treatiment of the topic. The wreatment offered here represents only 2 glance
over of the overall approach.
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Table 6-4 Estimates of intrinsic delay factors of varicus
logic types, assuming simple layout styles, and a fixed

PMOS-NMOCS ratio.
Gate type p
Inverier I

n-input NAND ]

n-input NOR n
n-way multiptexer 2r
XOR, NXOR n2™1

To do so, we modify the basic delay equation of the inverter that we introduced in Chapter 5,
namely,

T,
1, = rpo(i %‘Yé: = t,6(1+ f/7) (6.5
to
fp = spﬁip'}'gf/’y} (6-6)

with 4 still representing the intrinsic delay of an inverter and f the effecrive fan-out, defined
as the ratio between the external load and the input capacitance of the gate. In this context, £
is also called the electrical ¢ffort, and p represents the ratio of the intrinsic (or unloaded)
delays of the complex gate and the simple inverter, and is a function of gate topology, as
well as layout style. The more involved structure of the multiple-input gate causes its intrin-
sic delay to be higher than that of an inverter. Table 6-4 enumerates the values of p for some
standard gates, assuming simple layout styles, and ignoring second-order effects such as
internal node capacitances.

The factor g is called the logicai effort, and represents the fact that, for a given load,
complex gates have to work harder than an inverter to produce a similar response. In other
words, the fogical effort of 2 Jogic gate tells how much worse it is at producing output current
than an inverter, given that each of its inputs may present only the same input capacitance as
the inverier. Equivalently, logical effort is how much more input capacitance a gate presents to
deliver the same output current as an inverter. Logical effort is a useful parameter, because it
depends only or circuit topology. The logicat efforts of some common logic gates are given in
Table 6-3.
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Table 6-5 Logic efforis of common logic gates, assuming a PMOS-NMOS ratio of 2.

Number of Inputs

Gate Type 1 2 3 n
Inverter H
NAND 4/3 53 (n+233
NOR 573 743 Zn+ 1043
Multiplexer 2 2 2
XOR 4 1z

Example 6.3 Logical Effort of Complex Gates

Consider the gates shown in Figure 6-17, Assuming PMOS-NMOS ratio of 2, the input
capacitance of a minimum-sized symmetrical inverter equals three times the gate capaci-
tance of a minimum-sized NMOS {called ;). We size the two-input NAND and NOR
such that their equivalent resistances equal the resistance of the inverter (using the tech-
niques described earlier). This increases the input capacitance of the two-input NAND to
4 C,» Or 4/3 the capacitance of the inverter. The input capacitance of the two-input
NOR is 5/3 that of the inverter. Equivalently, for the same input capacitance, the NAND
and NOR gate have 4/3 and 5/3 less driving strength than the inverter. This affects the
delay component that corresponds to the load, increasing it by this same factor, called

the logical effort. Hence, gxaqp = 43, and gyor = 373

Inverter Two-igpat NAND ’E‘wo-inp_tzz NOR
Figure 6-17 Logical sffort of two-input NAND and NOR gates.

Dell Ex. 1025
Page 142



254 Chapter 6 » Designing Combinational Logic Gates in CMOS

N
ot

o
<
2
~

ax
N
"g‘ Effort

= delay

5 Y

z

i T
Intrinsic

L delay
i

i
£ 2 3 4 5

Fan-out f
Figure 6-18 Delay as a function of fan-out for an inverter and a two-input NAND.

The delay model of a logic gate, as represented in Eq. (6.6}, is a simple linear relationship.
Figure 6-18 shows this relationship grapliically: the delay is plotted as a function of the fan-out
for an inverter and for a two-input NAND gate. The slepe of the line is the logical effort of the
gate; its intercept is the intrinsic defay. The graph shows that we can adjust the delay by adjust-
ing the effective fan-out {by transistor sizing) or by choosing a logic gate with a different logical
effort. Observe also that fan-out and fogical effort contribute to the delay in a similar way. We
cali the product of the two & =g, the gate effort.

The total delay of a path through a combinational logic block can now be expressed as

N N fg
t, = er = fpaz,(?;**‘""f{"") (6.7

j=1 =t
We use a similar procedure as we did for the inverter chain in Chapter 5 to determine the mini-
mum delay of the path. By finding ¥ — 1 partial derivatives and setting them (o zero, we find that
each stage should bear the same gate effort:

Fi8 = F282= ... = fuBy 6.8)

The Togical effort along a path in the network compounds by multiplying the logical efforts of all
the gates along the path, yielding the path logical effor: G.

A
¢ = e 69
i

We also can define a path effective fan-out (or electrical effort) F, which relates the load capaci-
tance of the last gate in the path to the input capacitance of the first gate:

C
F=_= (6.10
Cai
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To relate F to the effective fan-outs of the individual gates, we must introduce another factor to
account for the logical fan-out within the network. When fan-out occurs at the output of a node,
same of the available drive current is directed along the path we are analyzing, and some is
directed off the path. We define the branching effort b of a logical gate on a given path to be

b= Cg;;_palh + Cﬁff—path {6.11)

Con—;@ih

where Cy, ooy, I8 the load capacitance of the gate along the path we are analyzing and Cygpog, I8
the capacitance of the connections that lead off the path, Note that the branching effort is, if the
path does not branch (as in a chain of gates). The path branching effort is defined as the product
of the branching efforts at each of the stages along the path, or

N
B = Hf;,. 6.12)
1

The path electrical effort can now be related fo the electrical and branching efforts of the individ-
ual siages:

B

ﬁ?
i 117
F o= Hb_, = {6.13)
1
Finally, the total path effort H can be defined. Using Eq. (6.13), we write

N N
H = H;z,. = Hg,.f,. = GFB (6.14)
1 1

From here on, the analysis proceeds along the same lines as the inverter chain. The gate effort
that minimizes the path delay is

E=NEH (6.15)

and the minimum delay through the path is

ol N
D= ’ps[z p,+ M) fﬁ} 6.16)

=1

Note that the path intrinsic delay is a function of the types of logic gates in the path and is not
affected by the sizing. The size factors of the individual gates in the chain 5; can then be derjved
by working from front to end (or vice versa). We assume that a unit-size gate has a driving capa-
bility equal t0 a minimum-size inverter. Based on the definition of the logical effort, this means
that its input capacitance is g times larger than that of the reference inverter, which equals C.
With 5, the sizing factor of the first gate in the chain, the input capacitance of the chain C,,
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equals g5,C,.. Including the branching effort, we know that the input capacitance of gate 2 is
{f\/b;} larger, or

I
gZSECrff = ['E}_])gi‘glcref (6‘2?}

For gate [ in the chain, this yields

; - (-;)HG?i 619

Example 6.6 Sizing Combinational Logic for Minimom Delay

Consider the logic network of Figure 6-19, which may represent the critical path of a
more complex logic block. The output of the network is loaded with a capacitance which
is five times larger than the input capacitance of the first gate, which is a minimum-sized
inverter. The effective fan-out of the path thus equals F = C,/C,, = 5. Using the entries
in Table 6-5, we find the path logical effort as follows:
3.5 25
G=1x 3 XX 1= 5
Since there is no branching, B = 1. Hence, H = GFB = 125/9, and the optimal stage
effort /1 is 4/H = 1.93. Taking into account the gate types, we derive the following fan-
out factors: f; = 1.93; £, = 1.93x(3/5) = 1.16; /5 = 1.16; £, = 1.93, Notice that the invert-
ers are assigned larger than the more complex gates because they are better at driving
loads.
Finally, we derive the gate sizes (with respect to the minimum-sized versions) using
Eq. (6.18). This leads to the following values: a = fig,/g, = 1.16; b = fi1 £, g,/g= 1.34, and
c=fif2f381/84=2.60.
These calculations do not have te be very precise. As discussed in Chapter §, sizing
a gate too large or too small by a factor of 1.5 still resuits in circuits within 5% of mini-
mum delay. Therefore, the “back of the envelope” hand caleulations using this technique
are quite effective.

o] oo
) T

Figure 6-19  Critical path of combinational networlc
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Problem 6.2 Sizing an Inverter Network

Revisit Problem 3.3, but this time around use the branching-effort approach to produce the solution.

Power Consumptien in CMOS Logic Gates

The sources of power consumption in a complementary CMOS inverter were discussed in detail
in Chapter 5. Many of these issues apply dizecty to complex CMOS gates. The power dissipa-
tion is a strong fenction of transistor sizing {which affects physical capacitance,} input and out-
put rise--fall times (which determine the short-circolt power,) device thresholds and temperature
{which impact leakage power,) and switching activity. The dynamic power dissipation is given
by 0y, C, Vpp* f Making a gate more complex mostly affects the switching activity ¢_,,,
which has two components: a static component that is only a function of the topology of the
fogic network, and a dynamic one that results from the timing behavior of the circuit. (The latter
factor is also called glitching.)

Logic Function The transition activity is a strong function of the logic function being imple-
mented. For static CMOS gates with statistically independent inputs, the static transition proba-
bility is the probability p, that the output will be in the zero state in one cycle, maltiplied by the
probability p, that the cufput will be in the one state in the next ¢ycle:

Og; = Py P1 = po- (1 —pq) (6.19)

Assuming that the inputs are independent and uniformly disiributed, any N-input static gate has
a transition probability given by
_ Ny Ny Ng-(2¥-Ny)

o = =
01 N N N
2% 2 2

{6.20)

where N, is the number of zero entries, and &, is the number of ore entries in the cutput column
of the truth table of the function. To illustrate, consider a static two-input NOR gate whose truth
table is shown in Table 6-6. Assume that only one input transition is possible during a clock
cycle and that the inputs to the NOR gate have a uniform input distribution (in other words, the
four possible states for inputs A and B—006, 01, 10, 11—are equally likely).

Tablie 68-6 Truth table of a two-input NOR gate.

A B Out
0 G 1
0 i G
1 0 ¢
I i 0
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258 Chapter 6 « Designing Combinationat Logic Gates in CMOS

From Table 6-6 and Eq. (6.20), the output transition probability of a two-input static
CMOS NOR gate can be derived:

Ne-(2"-N) 3.(2°-3) _3
2% 52-2 T 16

Cgo1 =

{6.21)

Problem 6.3 N-Input XOR Gate

Assurning the inputs to an A-input XOR gate are uncorrelated and uniformly distributed, derive the expres-
sion for the switching activity factor.

Signal Statistics  The switching activity of a logic gate is a strong function of the input signal
statistics, Using a uniform input distribution to compute activity is not a good technique, since
the propagation through Ingic gates can significantly modify the signal statisties. For example,
consider once again a two-input static NOR gate, and let p, and p, be the probabilities that the
inputs A and B are one. Assume further that the inputs are not correlated. The probability that the
output node is 1 is given by

pr=0 -p) (L~py) (6.22)
Therefore, the probability of a transition from O to 1 is
O =pPop1 =0 — (1 =p 3 (1 =p 2y (1 = p) {1 = py) (6.23)

Figure 6-20 shows the transition probability as a function of p, and p,. Observe how this
eraph degrades into the simple inverter case when one of the input probabilities is set to 0. From

Figure 6-20 Transition activity of a two-input NOR gate as a function
of the input probabilities {pa, pg).
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this plot, it is clear that understanding the signal statistics and their impact on switching events
can be used to significantly impact the power dissipation.

Problem 6.4 Pgwer Dissipation of Basic Legic Gates

Derive the 0 — 1 output transition probabilities for the basic logic gates (AND, OR, XOR}. The results to
he obtained are given in Table 6-7.

Table -7 Quiput transition probabilities for static logic gates.

Do s
AND (3 —papaiPals
OR (1-p0 —pgll -1 -p(1 -pz}
XOR (1= (pa+Pp— 284280 Ps + Pa— 2P4Pp)

Intersignal Correlations The evaluation of the switching activity is further complicated by the
fact that signals exhibit correlation in space and time. Even if the primary inputs to a logic net-
wark are uncorrelated, the signals become correlated or “colored,” as they propagate through the
logic network. This is best iilustrated with a simple example. Consider first the circuit shown in
Figure 6-21a, and assume that the primary inputs A and B are uncorrelated and uniformly dis-
tributed. Node € has a 1 (0) probability of 1/2, and a 0 — 1 transition probability of 1/4. The
probability that the node Z undergoes a power consuming transition is then determined using the
AND-gate expression of Table 6-7:

Pooi == papp= (1 — 12 1/2) 112 1/2=3/16 (6.24)

The computation of the probabilities is straightforward: signal and transition probabilities
are evaluated in an ordered fashion, progressing from: the input to the output node. This
approach, however, has two major limitations: (1) it does not deal with circuits with feedback as
found in sequential circuits, and (2) it assumes that the signal probabilities at the input of each
gate are independent. This is rarely the case in actual circuits, where reconvergent fan-out often
causes intersignal dependencies. For instance, the inputs to the AND gate in Figure 6-21b
(C and B) are interdependent because both are a function of A. The approach to computing

(a) Logic circuit without (b} Logic circuit with
reconvergent fan-out reconvergent fan-out

Figure 6-21  Example Hiustrating the effect of signal correlations.

Dell Ex. 1025
Page 148



260 Chapter 6 + Designing Combinational Logic Gates in CMOS

probabilities that we presented previously fails under these circumstances. Traversing from
inputs to outputs yields a transition probability of 3/16 for node Z, similar to the previous analy-
sis. This value clearly is false, as logic wansformations show that the network can be reduced to
Z=C-B=A-A=0, and thus no transition will ever take place.

To get the precise resuls in the progressive analysis approach, its is essential to take signal
interdependencies into account. This can be accomplished with the aid of conditional probabik-
ties. For an AND gate, Z equals 1 if and only if B and C are equal to 1. Thus,

pz=pZ=1)=pB=1,C=1) (6.25)

where p{B = 1, C = 1) represents the probability that B and C are equal to | simultaneously. If B
and C are independent, p(B = 1, C = 1) can be decomposed into p(B8 = 1) - p(C = 1}, and this
yields the expression for the AND gate derived eatlier: p, =p(B=1) - p(C= ) =pz po. If 2
dependency between the two exists {as is the case in Figure 6-21b), a conditional probability has
to be employed, such as the following:

pz=p(C=1B=1) -pB=1) (6.26}

The first factor in Eq. {6.26) represents the probability that C = 1 given that B=1. The
extra condition is necessary because C is dependent upon 8. Inspection of the network shows
that this probability is equal to 0, since C and B are logical inversions of each other, resulting in
the signal probability for Z, p, = 0.

Deriving those expressions in a structured way for large networks with reconvergent fan-
out is complex, especially when the networks contain feedback loops. Computer support is
therefore essential. To be meaningful, the analysis program has to process a typical sequence of
input signals, because the power disgipation is a strong function of statistics of those signals.

Dynamic or Glitching Transitions When analyzing the transition probabilities of complex,
multistage logic networks in the preceding section, we ignored the fact that the gates have a non-
zero propagation delay. In reality, the finite propagation delay from one logic block to the next
can cause spurious transitions known as glitches or dynamic hazards to occur: a node can exhibit
multiple transitions in a single clock cycle before settling to the correct logic level.

A typical example of the effect of glitching is shown in Figure 6-22, which displays the
simulated response of a chain of NAND gates for all inputs going simultaneously from 0 to L
Initially, all the outputs are | since one of the inputs was 0. For this particular transition, all the
odd bits must transition to 0, while the even bits remain at the value of 1. However, due to the
finite propagation delay, the even output bits at the higher bit positions start to discharge, and the
voltage drops. When the correct input ripples through the network, the output goes high. The
glitch on the even bits causes extra power dissipation beyond what is required to strictly imple-
ment the logic function. Although the glitches in this example are only partial {i.e., not from rail
to rail), they contribute significantly to the power dissipation. Long chains of gates often occur
in important structures such as adders and multipliers, and the glitching component can easily
dominate the overall power consumption.
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Figure 6-22 @litching in a chain of NAND gates.

The dynamic power of a logic gate can be reduced by minimizing the physical capacitance and the switch-
ing activity. The physical capacitance can be minimized in a sumber ways, including circuit style selection,
transistor sizing, placement and routing, and architectural opiimizations. The switching activity, on the
other hand. can be minimized at ail levels of the design abstraction, and is the focus of this section. Logic
structures can be optimized to minimize both the fundamental transitions required to implement a given
function and the spurious transitions.

1. Logic Restructuring Changing the topology of a logic network may reduce its power dissipa-
tton, Consider, for example, two alternative implementations of F= A - B+ C+ D, as shown in
Figure 6-23. Ignore glitching and assume that all primary inputs {4, B,C.D} are uacorrelated and
uniformly distributed {this is, p; , ;... = 0.5). Using the expressions from Table 6-7, the activity
can be computed for the two topologies, as shown in Table 6-8. The results indicate that the chain
implementation has an overall lower switching activity than the tree implementation for random
inputs. However, as mentioned before, it is also important to consider the timing behavior to

4 —] o, A Oy
5 B —
B— o )r >F
B — c—] ;
B — O

Chaina structure Tree structure

Figure 6-23 Simple example to demonstrate the influence of circuit
topology on activity.
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Table 6-8 Probabilities for free and chain topologies.

0, 0, F
7 {chain} 14 1/8 HATE
pa= 1-p, {chain) 344 /8 15/16
Do (chain) 16 764 157256
| P (ree) 14 174 i/16
P = Lopy (ree) 34 344 15/16
Doy (e} 3716 356 15/256

accurately make power trade-offs. In this example, the iree topology experiences {virtually; no
glitching activity since the signal paths are balanced 1o all the gates.

. Input ordering Consider the two static logic cirenits of Figure 6-24, The probabilities that 4,
B, and C are equal to 1 are listed in the Figure. Since both circuits impiement identical logic
functionality, it is clear that the activity at the cutput node Z is egual in both cases. The differ-
ence is in the activity at the intermediase node. In the first circuit, this activity equals (1 - 0.3 x
0.23{0.5 x 0.2) = 0,09. In the second case, the probability that a ¢ — I transition coeurs equals
{1 —02x0.13(0.2%x0.1) =0.0196, a substantially Iower value. From this, we learn that it is
beneficiat to postpone the introduction of signals with a high transition rate {i.e.. signals with a
signal probability close to 8.5). A simple reordering of the input signals is ofien sufficient 10
accomplish that goal.

Pla=13=05

B Pp=p=4982

=5n=11
=IDS NN
T

Figure 6-24  Reordering of inputs affects the circuit activity.

A—
B—

g

. Time-multiplexing resources Time-multipiexing a single hardware resource—such as a logic unit
or a bus—over a number of functions is a technique often used to minimize the implementation area.
{Unforiumately, the minimum area solution does not abways result in the lowest switching activity. For
example, consider the transmission of two input bits (4 and B) using either dedicated resources or a
time-multiplexed approach, as shown in Figure 6-25. To the first order, ignoring the muttiplexer
overhead, it would szem that the degree of time muitiplexing should not affect the switched capaci-
tance, since the time-multiplexed solution has half the physical capacitance switched at twice the fre-
auency (for a fixed throughput).

If the data being transmitted are random, it will make no difference which architecture is used.
However, if the data signals have soms distinct properties (such as temporal correlation), the power
dissipation of the time-multiplexed solution can be significantly higher. Suppose, for instance, thatA
is always {or mostly) 1, and B Is (nostly) 0. In the parallel solution, the switched capacitance is very
low since there are very few transitions on the dara bits, However, in the time-multiplexed solution,
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A T — K o
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(a} Paralle
Figure 6-25 Parallel versus time-muitiplexed data busses.

data transmission (b) Serial data transmission

the bus topgles between 0 and 1. Care must be taken in digital systems to avoid time-multiplexing
data streams with very distinet data characteristics.

4. Glitch Reduction by balancing signal paths  The occurrence of glitching in a circuit is mainly
due to a mismatch in the path lengths in the network. If all input signals of a gate change simulta-
necusly, no glitching occurs, On the other hand, if input signals change at different times, a dynamic
hazard might develop. Such a mismatch in signal timing is typically the result of different path
lengths with respect to the primary inputs of the network. This is iilustrated in Figure 6-26. Assume
that the XOR gate has a unit delay. The first network (a) suffers from glitching as a result of the wide
disparity between the arrival times of the input signals for a gate, For example, for gate F3, one input
settles at time 0, while the second one only arrives at time 2. Redesigning the network so that all
arrival times are identical can dramatically reduce the number of superfluous transitions (network b).

1
F3
1 7
4]
=D
(a) Network sensitive to plitching {b} Glitch-free network

Figure 6-26 Glitching is influenced by matching of signal path lengths.
The annotated numbers indicate the signal arrival times.

Summary

The CMOS logic style described in the previous section is highly robust and scalable with tech-
nology, but requires 2N transistors to implement an N-input logic gate. Also, the load capaci-
tance is significant, since each gate drives two devices {(a PMOS and an NMOS} per fan-out.
This has opened the door for alternative logic families that either are simpler or faster.

6.2.2 Ratioed Logic

Concept

Raticed logic is an attempt to reduce the number of tzansistors required to implement a given
logic function, often at the cost of reduced robustness and extra power dissipation. The purpose
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Vop Vop
H
PMOS
toad ___EC{ [ foad
p————C F —=oF
};zl o 1’)?1 o o
Prso— 7 PDN hpo— 7 PDN:
I o— Ingo— T
- L
{a}) Generic {b} Pseudo-NMOS

Figure 6-27 Ratiosd logic gate.

of the PUN in complementary CMOS is to provide a conditional path between ¥ and the out-
put when the PDN is turned off. In ratioed logic, the entire PUN is replaced with a single uncon-
ditional load device that pulls up the output for a high output as in Figure 6-27a. Instead of a
combination of active puli-dows and pull-up networks, such a gate consists of an NMOS pull-
down network that realizes the fogic funcrion, and a simpie load device. Figure 6-27b shows an
example of ratived logic, which uses a grounded PMOS load and is referred to as a pseudo-
NMOS gate.

The clear advantage of a pseudo-NMOS gate is the reduced number of transistors (N + 1, ‘
versas 2¥ for complementary CMOS). The nominal high output voltage (V) for this gate is
Vpp since the pull-down devices are turned off when the output is pulled high (assuming that Vi,
is below Vi, ). On the other hand, the nominal low output voltage is not 0 V, since there is con-
tention between the devices in the PDN and the grounded PMOS load device. This results in
reduced noise margins and, more importantly, static power dissipation. The sizing of the load
device relative to the pull-down devices can be used to trade off parameters such as noise mar-
gin, propagation delay, and power dissipation. Since the voltage swing on the output and the
overall functionality of the gate depend on the ratio of the NMOS and PMOS sizes, the circuit is
called ratioed. This is in contrast to the raticless logic styles, such as complementary CMOS,
where the low and high levels do not depend on transistor sizes.

Computing the de-transfer characteristic of the pseudo-NMOS proceeds along paths simi-
lar to those used for its complementary CMOS counterpart. The value of Vi, is obtained by
equating the currents through the driver and load devices for ¥, = V5. Al this operation poini, it
is reasonable to assume that the NMOS device resides in linear mode (since, ideally, the output
should be close to 0V}, while the PMOS load is saturated:

V2 Vissrs
6{(Von Vi Vou— =24+ 5 (Vo= Vi) Vosar,- 2222} = 0 627)

Assuming that ¥, is small relative to the gate drive (Vg — Vy), and that Vi, is equal to
Vyy, in magnitude, Vy; can be approximated as
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Vo= Eo(Vpp+ Vi) Vosams e W, Vosar (6.28)
kVpo—=Vp) u,- W, o
In order to make V¥, as small as possible, the PMOS device should be sized much smaller
than the NMOS pull-down devices. Unfortunately, this has a negative impact on the propagation
delay for charging up the output node since the current provided by the PMOS device is limited.
A major disadvantage of the pseudo-NMOS gate is the static power that is dissipated when
the output is low through the direct current path that exists between Vi and GND. The static
power consumption in the low-output mode is easily derived:

(629

Piow = Vopliow=Vop-

2
V;DSA}"
f{.&{{—vi}i} - VTF} ) VDSAT:?_ B ff')

Example 6.7 Pseudo-NMOS Inverter

Consider a simple pseudo-NMOS inverter {where the PDN network in Figure 6-27 degen-
erates to a single transistor) with an NMOS size of 0.5 wm/0.25 pm. In this example, we
study the effect of sizing the PMOS device to demonstrate the impact on various parame-
ters. The WL ratio of the grounded PMOS is varied over values from 4, 2, 1, 0.5 1o 0.25,
Devices with a W-L < | are constructed by making the length greater than the widih. The
veltage transfer curve for the different sizes is plotied in Figure 6-28.

Table 6-9 summarizes the nominal output voltage {V,,), static power dissipation,
and the low-to-high propagation delay. The low-to-high delay is measured as the time it
takes to reach 1.25V from V,, (which is not OV for this inverter}—by definition. The
trade~off between the static and dynamic properties is apparent. A larger pull-up device
not only improves performance, but also increases static power dissipation and lowers
noise margins by increasing ¥, .

Vf'}u v

Figure 8-28 Vollage-transfer curves of the pssudo-NMOS
inverter as a function of the PMOS size.
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Table 8-8 Performance of a pseude-NMOS inverter.

_ Static Power

Size Vo Dissipation o
4 0.693V 364 pW 14 ps
2 0273V 208 W 36 ps
1 8.133V 160 1w 123 ps
0.5 0.064 8OpwW 268 ps
0.25 0031V 41 W 569 ps

Notice that the simple first-order model to predict V,; is quite effective. For s PMOS
W-L of 4, V5, is given by (30/115) (4) (0.63V) = (.66V.

The static power dissipation of pseudo-INMOS Hmits its use. When area is most important
however, its reduced transistor count compared with complementary CMOS is quite attractive.
Pseudo-NMOS thus still finds occasional use in large fan-in circnits. Figure 6-29 shows the
schematics of pseudo-NMOS NOR and NAND gates.

Yoo

-
}.Om

L

{b) NAND
Figure 68-29  Four-inpui pseudo-NMOS NOR and NAND gates.
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Problem 6.5 NAND versus NOR in Psendo-NMOS

Given the choice between NOR or NAND logic, which one would you prefer for implementation in
pseudo-NMOS?

How to Build Even Better Loads

It is possibie to create 2 raticed logic style that completely eliminates static currents and pro-
vides rail-to-rail swing. Such a gate combines two concepts: differential logic and positive feed-
back. A differential gate requires that each input is provided in complementary format, and it
produces complementary outputs in turn. The feedback mechanism ensures that the load device
is turned off when not needed. An example of such a logic family, called Differential Cascode
Voltage Switch Logic (or DCVSLY), is presented conceptually in Figure 6-30a [Helier84].

The pull-down networks PDN1 and PDN2 use NMOS devices and are mutually exclu-
sive—that ig, when PDN1 conducts, PDN2 is off, and when PDN1 is off, PDN2 cenducts—such
that the required logic function and its inverse are simuitaneously implemented, Assume now
that, for a given set of inputs, PDN1 conducts while PDN2 does not, and that Ous and Out are
initially high and low, respectively. Turning on PDNI, causes Out to be pulled down, although
there is still contention between M, and PDNL. Our is in a high impedance state, as M, and
PDN2 are both wrned gff. PDNT must be strong cnough 1o bring Out below Vyp, — |Vy ), the
point at which A4, turns or and starts charging Ou? 1o Vyp, eventually turning off A7;. This in turn
enables Ont to discharge all the way to GND. Figure 6-30b shows an example of an XOR~
XNOR gate. I otice thart it is possible te share transistors among the two pull-down networks,
which reduces he implementation overhead.

The res. ting circuit exhibits a rail-to-rail swing, and the static power dissipation is
eliminated; in steady state, none of the stacked pull-down networks and load devices are

Yoo Yoo
s
Qe Cremema———4 — E"}?i?

(a} Basic principle {b) XOR-XNOR gate
Figure 6-30 DCVSL logic gate.
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simultaneously conducting. However, the circuit is still ratioed since the sizing of the PMOS
devices relative to the pull-down devices is critical to functionality, not just performance. In
addition to the problem of increased design complexity, this circuit style has a power-dissipation
problem that is due to cross-over currents. During the transition, there is a period of time when
PMOS and PDN are turned on simultanecusly, producing a short eircuit path.

Example 6.8 DCVSL Transient Response

An example transient response is shown in Figure 6.31 for an AND/NAND gaie in
DCVSL. Notice that as Our is pulied down 10 Vpp — |V |, Our starts to charge up to Vpp
quickly. The delay from the input to Onr is 197 ps and to Owr is 321 ps. A static CMOS
AND gate (NAND followed by an inverter) has a delay of 200 ps.

] F 3 ) I i T
Ot =A_;|_i! E;;?=A B 23 —
| \,:‘ - ) |

Voltage, V
i
in

ey
tn

_ L N S
{}‘SG 62 04 05 0.8 1.0

Time, ns
Figure 6-31 Transient response of a simple AND/NAND DCVSL gate. M, and

M, 1 um/G.25 pm, M; and M, are 0.5 um/0.25 pm and the cross-coupled PMOS devices
are 1.5 um/0.25 um.

The DCVSL gate provides differential (or complementary) outputs. Both the output signal (V) and its
inverted value (V, ) are simultanecusly available. This is a distinct advantage, because it eliminates the
need for an extra inverter to produce the complementary signal. It has been observed that a differential
implementation of a complex function may reduce the number of gates required by a factor of two! The
number of gates in the critical timing path is often reduced as well. Finally, the approach prevents some of
the time-differential problems introduced by additional inverters. For example, in logic design, it often hap-
pens that both a signal and its complement are needed simultanecusly. When the complementary signal is
generated using an invertes, the Inverled signal is delayed with respect to the original (Figure 6-32a). This
causes timing problems, especially in very high-speed designs. Logic families with differential cutput
capability avoid this problem to a major extent, if not completely (Figure 6-32b).

With all tese positive properties, why not always use differential logic? The reason is that the differ-
ential nature virtually doubles the number of wires that have to be routed, often lsading to unwieldy designs
on top of the additional impiementation overhead in the individual gates. The dynamic power dissipation
also is high.
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{a) Single ended (b) Differential
Figure 6-32 Advantage of over single-ended (a) differential {b) gate. B

6.2.3 Pass-Transistor Logic

Pass-Transistor Basies

A popular and widely used alternative to complementary CMOS is pass-transistor logic, which
attempts to reduce the number of fransistors required to implement logic by allowing the pri-
mary inputs to drive gate terminals as well as sowrce—drain terminals [Radhakrishnan83]. This is
in contrast 10 logic families that we have studied so far, which only allow primary inputs to drive
the gate terminals of MOSFETS.

7 Figure 6-33 shows an implementation of the AND function constructed that way, using
only NMOS transistors. In this gate, if the B input is high, the top transistor is turned on aad cop-
ies the input A to the output F. When B is low, the bottom pass-transistor is turned on and passes
a 0. The switch driven by B seems to be redundant at first glance. Its presence is essential to
ensure that the gate is static—a low-impedance path must exist to the supply rails under all chi-
cumstances (in this particular case, when B is low).

The promise of this approach is that fewer transistors are required to implement 2 given
function. For example, the implementation of the AND gate in Figure 6-33 requires 4 transistors
(including the inverter required to invert B), while a complementary CMOS implementation
would require 6 transistors. The reduced number of devices has the additdonal advantage of
{ower capacitance.

A_; -
B
i LF=AB

Figure 6-33  Pass-transistor implementation of an AND gate.
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270 Chapter 6 * Designing Combinational Logic Gates in CMOS

Unfortunately, as discussed earlier, an NMOS device s effective at passing a 0, but it is
poor at pulling a node to Vp,. When the pass-transistor pulls a node high. the output only
charges up to Vpp, — Vi, In fact, the situation is worsened by the fact that the devices experience
body effect, because a significant source to body voltage is present when pulling high. Consider
the case in which the pass-transistor is charging up a node with the gate and drain terminals set
at Vpy. Let the source of the NMOS pass-transistor be labeled x. The node x will charge up to
Voo — Vm(V, ). We obtain

(6.30)

Example 6.9 Voltage Swing for Pass-Transistors Circuits

The transient response of Figure 6-34 shows an NMOS charging up a capacitor. The
drain voltage of the NMOS is at Vpp, and its gate voltage is being ramped from O V
to Vpp Assume that node x is initially at O V. We observe that the output initially
charges up quickly, but the tail end of the transient is slow. The current drive of the
transistor (gate-to-source voltage) is reduced significantly as the output approaches
Vpp — Vi, and the current available to charge up node x is reduced drastically Man-
ual calculation using Eq. (6.30) results in an output voltage of 1.8 V, which is close
to the simulated value.
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Figure 6-34 Transient response of charging up a node using an N device. Notice the
slow tail after an initial quick response. V,,=2.5 V.

WARNING: The preceding example demonstrates that pass-transistor gates cannot be cas-
caded by connecting the output of a pass gate to the gate input of another pass-transistor
This is illustrated in Figure 6-35a, where the output of M, (node x) drives the gate of another
MOS device. Node x can charge up to Vp, — Vy,,. If node C has arail-to-rail swing, node Y only
charges up to the voltage on node x — V,,,, which works out to Vj,, — Vi,,; — Vg0 Figure 6-35b,
on the other hand, has the output of M, (x) driving the junction of M,, and there is only one
threshold drop. This is the proper way of cascading pass gates.
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Figure 6-35 Pass-transistor output {drain—source} terminal should
riot drive other gate terminals to avoid multiple threshoid drops.

Example 6.10 VTC of the Pass-Transistor AND Gate

The voltage transfer curve of a pass-transistor gate shows little resemblance to comple-
mentary CMOS. Consider the AND gate shown in Figure 6-36. Similar to complementary
CMOS, the VTC of pass-transistor logic is data dependent. For the case when B = Vi, the
top pass-transistor is turned on, while the bottom one is turned off. In this case, the output
just follows the input A until the input is high enough to turn off the top pass-transistor
(i.e., reaches Vi, — Vi, ). Next, consider the case in which 4 = Vi, and B makes a transi-
tion from 0 — 1. Since the inverter has a threshold of Vj,,/2, the bottom pass-transistor is
turned on until then and the output remains close to zero. Once the bottom pass-transistor
turns off, the output follows the input B minus a threshold drep. A similar behavior is
observed when both inputs A and B transition from 0 — 1.

Observe that a pure pass-transistor gate is not regenerative. A gradual signal degra-
dation will be observed after passing through a number of subsequent stages. This can be
remedied by the occasional insertion of a CMOS inverter. With the inclusion of an inverter
in the signal path, the VTC resembles one of the CMOS gates.

1.3 pmf0.25 jin

I i
0.3 uml/0.25 pm 20 )
> 8= VppAd=0-¥ps
LT
0.5 pe2sf0.25 o _ % 10
B +—F=4B
¢ z
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0.0 i '
4.0 10 20

Figure 6-36 Voltage transfer characieristic for the pass-transistor AND
gate of Figure 6-33,

Pass-transistors require lower switching energy te charge up a node, due to the reduced
voltage swing, For the pass-transistor circuit in Figure 6-34, assume that the drain voitage is at
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272 Chapter & ¢ Designing Combinational Logic Gates in CMOS

Vpp and the gate voltage tramsitions to ¥, The output node charges from 0V to Vp, — Vp,
{assuming that node x was initially at §V), and the energy drawn from the power supply for
charging the output of a pass-transistor is given by

T T
EU—)I = JP(I}(& = vﬂf}jfsuppl*y{;)dr
i 0
{Von— Vi) {6.31)

I

VDD ." Cédvam = CL ) VDD ’ (VDD - V?‘:a)
g
‘While the circuit exhibits lower switching power, it may also consume static power when
the output is high—the reduced voltage level may be insufficient to turn off the PMOS transistor
of the subsequent CMOS inverter.

Differential Pass-Transistor Logic

For high performance design, a differential pass-transistor logic family, called CPL or DPL, is
commonly used. The basic idea {similar to DCVYSL) is to accept true and complementary inputs
and produce trae and complementary outputs. Several CPL gates (AND/NAND, OR/NOR, and
XOR/MNXORY) are shown in Figure 6-37. These gates possess some interesting propetties:

{a) Basic concept
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{b) Example pass-transistor networks
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Figure 6-37 Complementary pass-transistor logic (CPL}L.
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* Since the circuits are differential, complementary data inputs and cutputs are always avail-
able. Although generating the differential signals requires extra circuitry, the differential
style has the advantage that some complex gates such as XORs and adders can be realized
efficiently with & small number of transistors. Furthermore, the availability of both polari-
ties of every signal eliminates the need for extra inverters, as is often the case in static
CMOS or pseudo-NMOS.

«» CPL belongs to the class of static gates, because the output-defining nodes are always con-
nected to either Vj,, or GND through a low-resistance path. This is advantageous for the
noise resilience.

» The design is very modular. In effect, all gates use exactly the same topology. Only the
inputs are permutated. This makes the design of a library of gates very simple. More com-
plex gates can be built by cascading the standard pass-transistor modules.

Example 6.11 Four-Input NAND in CPL

Consider the implementation of a four-input AND/NAND gate using CPL. Based on the
associativity of the boolean AND operation [A - B-C- D=4 - B} - (C- D)}, a two-stage
approach has been adopted to implement the gate (Figure 6-28), The total number of tran-
sistors in the gate {including the final buffer) is 14. This is substantially higher than previ-
ously discussed gates.? This factor, combined with the complicated routing requirements,
makes this circuit style not particularly efficient for this gate. One should, however, be
aware of the fact that the structure simultansously implements the AND and the NAND
functions, which might reduce the transistor count of the overall eircuit.
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Figure 6-38 Layout and schematics of four-input NAND gate using CPL. The final
inverter siage is omitted.

¥This particalar circuit configuration is only acceptable when zero-threshold pass-transisters are used. If not, it directly
viclates the concepts introduced in Figure 5-35.
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274 Chapter 6 = Designing Combinational Logic Gates in CMOS

Iz sum, CPL is a conceptually simple and modular logic style. Its applicability depends
strongly on the logic function to be implemented. The availability of a simple XOR and the
ease of implementing multiplexers makes it attractive for structures such as adders and multi-
pliers. Some exiremely fast and efficient implementations have been reported in that applica-
tion domain [Yano90]. When considering CPL, the designer should not ignore the implicit
routing overhead of the complementary signals, which is apparent in the layout of Figure 6-38.

Rebust and Efficient Pass-Transistor Design

Unfortunately, differential pass-transistor logic, like single-ended pass-transisior logic, suffers
from static power dissipation and reduced noise margins, since the high input to the signal-
restoring inverter only charges up to ¥, — V. There are several solutions proposed to deal with
this problem, outlined as fellows:

Solution 1: Level Restoration A common solulion to the voltage drop problem is the use of a
ievel restorer, which is a single PMOS configured in a feedback path (see Figure 6-39). The gate
of the PMOS device is connected to the cutput of the inverter its drain is connected to the input
of the inverter and the source is connected to V. Assume that node X is at OV (ewr is at Vjp and
the M, is turned off) with B = V,, and A = 0. If input A makes a 0 to Vpp, transition, M, only
charges up node X to Vp, — V. This is, however, enough to switch the output of the inverter
low, mrning on the feedback device M, and puiling node X all the way to V. This eliminates
any static power dissipation in the inverter. Furthermore, no static current path can exist through
the level restorer and the pass-transistor, since the restorer is only active when 4 is high. In sum,
this circuit has the advaniage that all voltage levels are either at GND or Vi, and no static
power is consumed.

While this solution is appealing in terms of eliminating static power dissipation, it adds
complexity since the circuit is ratioed. The problem arises during the transition of node X from
high to low (seeFigure 6-40). The pass-transistor network attempts to pull down node X, while

Vop
M, l _V?i
B E

5
A= (}——I M, : X | Gt

L

Figure 68-3¢ Transistor-sizing problem in level-resioring circuits.
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Figure 6-40 Level-restoring circuit.

the level restorer pulls X 1o V. Therefore, the pull-down network, represented by A, must
be stronger than the pull-up device Mr to switch node X {(and the output). Careful transistor
sizing is necessary to make the circuit function correctly. Assume the notation R, to denote the
equivalent on-resistance of transistor M,, R, for A, and R, for M., When R, is too small, it 1s
impossible to bring the voltage at node X below the switching threshold of the inverter. Hence,
the inverter output never switches to Vpp, and the gate is locked in a single state. The problem
can be resolved by sizing transistors M, and M, such that the voltage at node X drops below
the threshold of the inverter V,,, which is a function of R and R,. This condition is sufficient
to guarantee the switching of the outpur voltage V,,, to Vpp and the turning off of the level-
restoring transistor.

Exampile 6.12 Sizing of a Level Restorer

Analyzing the circuit as a whole is nontrivial, because the restoring transistor acis as a
feedback device. One way to simplify the circuit for manual analysis Is to open the feed-
back loop and to ground the gate of the restoring transistor when determining the switch-
ing point {this is a reasonable assumption, as the feedback only becomes active once the
inverter starts to switch). Hence, M, and M, form a configuration that resembles pseudo-
NMOS with M, the load transistor, and 3, acting as a pull-down network to GND.
Assume that the inverter M, M, is sized to have its switching threshold at V572 (NMOS:
0.5 um/0.25 um and PMOS: 1.5 um/0.25 pm). Therefore, node X must be pulled below
Vpp!2 to switch the inverter and to shut off A7,

This is confirmed in Figure 6-41, which shows the transient response as the size
of the level mestorer is varied, while keeping the size of M, fixed (0.5 um/0.23 pun). As
the simulation indicates, for sizes above 1.5 um/0.25 um, node X cannot be brought
below the switching threshold of the inverter, and can’t switch the output.
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Figure 6-41 Transient response ¢f the clrcuit in Figure 6-38.
A level restorer that is oo large results in incorrect evaluation.

Another concern is the influence of the level restorer on the switching speed of the
device. Adding the restoring device increases the capacitance at the internal node X, slowing
down the gate. In addiction, the rise time of the gate is affected negatively. The level restor-
ing transistor M, fights the decrease in voltage at node X before being switched off. On the
other hand, the level restorer reduces the fall time, since the PMOS transistor, once turned on,
accelerates the pull-up action.

Problem 6.6 Device Sizing in Pass-Transistors

For the circnit shown in Figure 6-39, assume that the pull-down device consists of six pass-transisiors in
series each with a device size of 0.5 pm/0.25 pm (replacing transistor #,,). Determine the maximum W—L
size for the level restorer transistor for correct functionality.

A modification of the level restorer concept is shown in Figure 6-42. It is applicable in dif-
ferential networks and is known as swing-restored pass-transistor logic. Instead of a simple
inverter at the output of the pass-fransisior network, two back-to-back inverters configured in 2
cross-coupled fashion are used for level restoration and performance improvement. Inpuls are
fed to both the gate and source—drain terminals, as in the case of conventional pass-transistor
networks. Figure 6-42 shows a simple XOR/XNOR gate of three variables 4, B, and C. The
complementary network can be optimized by sharing transistors between the true and comple-
mentary outputs. This logic family comes with a major caveat: When cascading gates, buffers
may have to be included in between the gates. If not, contention between the level-restoring
devices of the cascaded gates negatively impacts the performance.

Solution 2: Multiple-Threshold Transistors A technology selution to the voltage-drop prob-
lem associated with pass-transistor logic is the use of muitiple-threshold devices. Using zero-
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Flgure B-42 Swing-restored pass-iransistor logic [Landmangi, Parameswargsl.

threshold devices for the NMOS pass-transistors eliminates most of the threshold drop, and
passes a signal close to Vpp. All devices other than the pass-transistors (1.e., the Invertess) are
implemented using standard high-threshold devices. The use of multiple-thresheld transistors is
becoming more common, and invelves simple modifications to existing process flows. Observe
that even if the device implants were carefully calibrated to yield thresholds of exactly zero, the
body effect of the device still would prevent a full swing to Vpp.

The use of zero-threshold transistors has some negative impact on the powsr conswmnption
due to the subthreshoid currents flowing through the pass-transistors, even if V;; is below V.
This is demonstrated in Figure 6-43, which points out a potential sneak de-current path. While
these leakage paths are not critical when the device is switching constantly, they do pose a sig-
nificant energy overhead when the cirewit is in the idle state.

Soluticn 3: Transmission-Gate Logic The most widely nsed solution to deal with the volt-
age-drop problem is the use of rransmission gates.* This technique builds on the complementary
properties of NMOS and PMOS transistors: NMOS devices pass a strong {3, but a weak 1, while
PMOS wransistors pass 2 strong 1 but 2 weak 0. The ideal approach is to use an NMOS 1o pull
down and a PMOS to pull up. The transmission gate combines the best of both device flavors by
placing an NMOS device in parallel with a PMOS device as in Figure 6-44a. The control

SThe transmission gaie is only one of the possible solutions. Other styles of pass-transistor networks that combing
NMOS pnd PMOS transistors have been devised, Double pass-ransistor Jogic (DPL) is an example of such
{Bernstein®s, pp. 841
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Figure 6-43 Static power consumption when using zero-threshold
pass-transistors.

{a) Circuit {b) Symbolic representation

Figure 6-44 CMOS transmission gate.

signals to the fransmission gate (C and C) are complementary. The transmission gate acts as a
bidirectional switch controlled by the gate signal C. When C = 1, both MOSFETS are on, allow-
ing the signal to pass through the gate. In short,

A=B if C=1 6.32)

On the other hand, C = 0 places both transistors in cutoff, creating an open circuit between nodes
A and B. Figure 6-44b shows a commonly used {ransmission-gate symbol.

Consider the case of chaiging node B to V,, for the transmission-gate circuit in
Figure 6-45a. Node A is set at ¥y, and the transmission gate is enabled (C =1 and C=0)If
only the NMOS pass device were present, node B would only charge up w0 Vpp — Vo, at
which point the NMOS device would turn off. However, since the PMOS device is present
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Figure 6-45 Transmission gates enable rail-to-rail switching.

and is “on” (Vigg, = —V};), the output charges all the way up to Vjp,. Figure 6-45b shows the
opposite case—that is, discharging node B to 0. B is initially at Vp, when node A is driven
Iow. The PMOS transistor by itself can only pull-down node B to Vr, at which point it turns
off. The parallel NMOS device stays twrned on, however (since its Vg, = Vpp), and pulls
node B all the way to GND. Although the fransmission gate requires two transistors and more
control signals, it enables rail-to-rail swing.

Transmission gates can be used to build some complex gates very efficiently. Figure 6-46
shows an example of a simple inverting two-input multiplexer. This gate either selects input A or
B on the basis of the value of the control signal 8, which is equivalent to implementing the fol-
fowing Boolear function:

F=(A-S+B-5 (6.33)

A complementary implementation of the gate requires eight transistors instead of six.
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Figure 8-46 Transmission-gate multiplexer and its layout.
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Figure 6-47 Transmission-gate XOR.

Another example of the effective use of transmission gates is the popular XOR circuit
shown in Figure 6-47. The complete implementation of this gate requires only 6 transistors
{including the inverter used for the generation of B), compared with the 12 transistors required
for a complementary implementation. To understand the operation of this circuit, we need only
analyze the B = 0 and B = 1 cases separately. For B = 1, transistors M, and 3, act as an inverier,
while the transmission gate M;/M, is off; hence, £ = AB. In the opposite case, A, and 34, are
disabled, and the transmission gate is operational, or F = AB. The combination of both leads to
the XOR function. Notice that regardless of the values of 4 and B, node F always has a connec-
tion to either Vp,p, or GND and thus is a low-impedance nede. When designing static-pass-tran-
sistor metworks, it is essential to adhere to the low-impedance rule under all circumstances.
Other examples in which transmission-gate logic is effectively used are fast adder circuits and
registers.

Performance of Pass-Transistor and Transmission-Gate Logic

The pass-transistor and the transmission gate are, unfortunaiely, not ideal swiiches, and they
have a series resistance associated with them. To guantify the resistance, consider the circuit in
Figure 6-48, which involves charging a node from 0 V to V. In this discussion, we use the
large-signal definition of resistance, which involves dividing the voltage across the switch by the
drain current. The effective resistance of the switch is modeled as a parallel conrection of the
resistances R, and R, of the NMOS and PMOS devices, defined as (Vpp - Vo iy, and (Vg —
V. M (=1p,), respectively. The currents through the devices obviously are dependent on the value
of V,,, and the operating mode of the transistors. During the low-to-high transition, the pass-ran-
sistors traverse through a number of operation modes. For low values of V,_,, the NMOS device

1s saturated and the resistance is approximated as

R = ngm VBD - Vozu_ VQD
? ]Dl (th B yDD}z
f k,- ((—Vm = V)V gy = Vpp) = — == 2 ) (6.34)
IS S
k;}(_VDD - VT[J)
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Figure 6-48 Simulated equivalent resistance of transmission gate for low-to-high
fransition (for fWL), = (W-L), = 0.5 um/0.25 um). A similar response for overall
resistance is obtamed fcr the ﬂtgh-to-low fransition.

The resistance goes up for increasing values of V,,, and approaches infinity when V,, reaches
Vpp — Vr, and the device shuts off. Similarly, we can analyze the behavior of the PMOS transis-
tor, When V. is small, the PMOS is saturated, but it enters the linear mode of operation for V,,,
approaching V,,. This gives the following approximated resistance:

R = Vm;;_ VSD _ Vam" YB,D

P

ip,

{ o v }
.Eip - ((“V{}g"‘ VT;;){VO:H - YDD) ——i—z_—ﬁ ] {535}
i

Tk, (-Vpp— Vi)

The simulated value of R, = R, || R, as 2 function of V,,,, is plotted in Figure 6-48. It can
be observed that R, is relatively constarmt {= 8 k€2 in this particular case}. The same is true in
other design instances {for example, when discharging C; ). When analyzing transmission-gate
networks, the simplifying assumption that the switch has a constant resistive value is therefore
acceptable.

Problem 6.7 Egquivalent Resistance during Discharge

Determnine the egnivalent resistance by simulation for the high-to-low transition of a transmission gaie. (In
other words, produce a plot similar to the one presented in Figure 6-48).

An important consideration is the delay associated with a chain of transmission gates.
Figure 6-49 shows a chain of » transmission gates. Such a configuration often occurs in circuits
such as adders or deep multiplexors. Assume that afl transmissicn gates are turned on and a step
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{a) A chain of transmission gates

; —I—C Ic

{b} Equivalent RC network
Figure 6-49 Speed oplimization in transmission-gaie networks.

is applied at the input. To analyze the propagation delay of this network, the transmission gates
are replaced by their equivalent resistances R,,,. This produces the network of Figure 6-49b.

The delay of a network of # transmission gates in sequence can be estimated by using the
Elmore approximation (see Chapter 4):

N
(V) = 069 Y CR,k = 0.69CK,, (6.36)
k=4

This means that the propagation delay is proportional to » and increases rapidly with the num-
ber of switches in the chain.

Example 6.13 Delay of Transmission-Gate Chain

Consider 16 cascaded minimum-sized transmission gates, each with an average resistance
of 8 kQ. The node capacitance consists of the capacitance of two NMOS and PMOS
devices (junction and gate). Since the gate inputs are assumed to be fixed, there is no
Miller multiplication. The capacitance can be calculated to be approximately 3.6 {F for the
low-to-high transition. The delay is given by

16(16+ 1)

(= 069 CRMD - 069 3.6 )3 RO+

5 ) =2.7ns {6.37)

The transient response for this particular exampie is shown in Figure 6-30. The sim-~
uiated delay is 2.7 ns. It is remarkable that a simple RC model predicts the delay so accu-
rately. It is also clear that the use of long pass-transistor chains causes significant delay
degradation.
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Figure 6-5¢ Speed optimization in ransmission-gate networks.

The most commeon approach for dealing with the long delay is to break the cham and
insert buffers every m switches (Figure 6-51). Assuming a propagation delay 1, for each buffer,
the overall propagation delay of the transmission gate—buffer network is then computed as
follows:

)
]

- mim+ 1}
0. 69[ CR, T] + [.- - 1);@‘,

nim+ 13 (__ )
0,69[@2 S ] 2t

(6.38)

The resulting delay exhibits only a linear dependence on the number of switches », in con-
trast to the unbuffered circuit, which is quadratic in #. The optimal number of switches m,,

gt
between buffers can be found by setting the derivative gi to &, which yiclds

—

= 17 (Lot
My, = L7 JCR,, (6.39)
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Figure 6-51 Breaieﬂg up iong transmssnon—gate chains by msertmg huffers.
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Obviously, the namber of switches per segment grows with increasing values of £, .. In current
technologies, m,, typically equals 3 or 4. The presented analysis ignores that 1p,itself is a func-
tion of the load m. A more accurate analysis taking this factor into account is presented in Chapter 9.

Example 6.14 Transmission-Gate Chain

Consider the same 16-transmission-gate chain. The buffers shown in Figure 6-51 can be
implemented as inverters (instead of two cascaded inverters). In some cases, it might be
necessary to add an extra inverter to produce the correct polarity. Assumning that gach
inverter is sized such that the NMOS is 0.5 um/0.25 wmn and PMOS is 0.5 gm /0.25 pum,
Eq. {6.39) predicts that an inverter must be inserted every 3 fransmission gates. The simu-
lated delay when placing an inverter every two transmission gates is 154 ps; for every
three transmission gates, the delay is 154 ps; and for four transmission gates, it is 164 ps.
The insertion of buffering inverters reduces the delay by a factor of almost Z.

CAUTION: Although many of the circuit styles discussed in the previous sections sound very
interesting, and might be superior to static CMOS in many respects, none has the robusiness and
ease of design of complementary CMOS, Therefore, use them sparingly and with caution. For
designs that have no extreme area, complexity, or speed constraints, complementary CMOS is
the recommended design style.

6.3 Dynamic CMOS Design

1t was noted earlier that static CMOS logic with a fan-in of N requires 2N devices. A variety of
approaches were presented to reduce the number of transistors required to implement a given
logic function including pseudo-NMOS, pass-transistor logic, etc. The pseudo-NMOS logic
style requires only NV + 1 transistors to implement an N input logic gate, but unfortunately it has
static power dissipation. In this section, an alternate logic style calied dynantic logic is presented
that obtains a similar result, while avoiding static power consumption. With the addition of a
clock input, it uses a sequence of precharge and conditional evaluation phases.

6.3.1 Dynamic Logic: Basic Principles
The basic construction of an (n-type) dynamic logic gate is shown in Figure 6-52a. The PDN
(pull-down network) is constructed exactly as in complementary CMOS. The operation of this
circuit is divided into two majer phases—precharge and evaluation—with the mode of opera-
tion determined by the cleck signal CLK.

Precharge

When CLX = 0, the output node Qut is precharged 1o Vjp by the PMOS transistor M,,. During
that time, the evaluate NMOS transistor #, is off, so that the puli-down path is disabled. The
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Figure 6-52 Basic concepts of a dynamic gate.

evaluation FET eliminates any static power that would be consumed during the precharge period
{i.e., static current would flow between the supplies if both the pull-down and the precharge
device were turned on simultanecusly},

Evaluation

For CLK = 1, the precharge transistor M, is off, and the evaluation transistor M, is turned on. The
output is conditionally discharged based on the input values and the puli-down topology. H the
inputs are such that the PDN cenducts, then a low resistance path exists between Out and GND,
and the output is discharged to GND. If the PDN is turned off, the precharged value remains
stored on the output capacitance €, , which is a combination of junction capacitances, the wiring
capacitance, and the input capacitance of the fan-out gates. During the evaluation phase, the only
possible path between the output node and a supply rail is to GNI. Consequently, once Qut is
discharged, it cannot be charged again until the next precharge operation. The inputs to the gate
can thus make at most ene transition during evaluation. Notice that the output can be in the
high-impedance state during the evaluation period if the pull-down network is turned off. This
behavior is fundamentally different from the static counterpart that always has a low resistance
path between the output and one of the power ratls.

As an example, consider the circuit shown in Figure 6-32b. During the precharge phase
(CLK = 0), the cutput is precharged to V¥, regardless of the input values, because the evaluation
device is rned off. During evalvation {CLK = 1), a conducting path is created between Out and
GND if (and only i1 A - 8 + C is TRUE. Otherwise, the output remains at the precharged state of
Vpp. The following function is thus realized:

Our = CLK+(A-B+C)-CLK (6.40)
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A number of important properties can be derived for the dvnamic logic gate:

*» The logic function is implemented by the NMOS pull-down petwork. The construction of
the PDN proceeds just as it does for static CMOS.

» The munmber of transistors {for complex gates) is substantially lower than in the static case:
N + 2 versus 2N,

= It is nonratioed. The sizing of the PMOS precharge device is not important for realizing
proper functionality of the gate. The size of the precharge device can be made large to
improve the low-to-high transition time (of course, at a cost to the high-to-low transition
time), There is, however, a trade-off with power dissipation, since a larger precharge
device directly increases clock-power dissipation.

= It only consumes dynramic power. Ideally, no static current path ever exists between ¥V
and GNI. The overall power dissipation, however, can be significantly higher compared
with a static logic gate.

= The logic gates have faster swirching speeds, for two main reasons. The first (obvious) rea-
son is due to the reduced load capacitance attributed to the lower number of transistors per
gate and the single-transistor load per fon-in. This translates in a reduced logical effort.
For instance, the logical effort of a two-input dynamic NOR gate equals 2/3, which is sub-
stantially smaller than the 5/3 of its static CMOS counterpart. The second reason is that
the dynamic gate does not have short circuit current, and all the current providad by the
puil-down devices goes towards discharging the load capacitance.,

The low and high ocutput levels of V; and V,,, are easily identified as GND and V5, and
they are not dependent on the transistor sizes. The other VTC parameaters are dramatically differ-
ent from static gates. Noise margins and switching thresholds have been defined as static guanti-
ties that are not a function of time. To be functional, a dynamic gate requires a periodic seguence
of precharges and evaluations. Pure static analysis, therefore, does not apply. During the evaloa-
tion period, the pull-down network of a dynamic inverter starts to conduct when the input signal
exceeds the threshold voltage {V7,) of the NMOS pull-down transistor. Therefore, it is reason-
able to assume that the switching threshold (Vi) as well as Vi, and Vy; are equal to Vi, This
wanslates to a low value for the N, .

1t is alsp possible to implement dynamic logic using the dual approach, where the gutput node is connected
by a predischarge NMOS transistor to GND, and the evaluation PUN network is implemented in PMOS.
The operation is similar: During precharge, the output node is discharged 1o GND; during evaluation, the
cutput is conditionally charged to V. This p-type dynamic gate has the disadvantage of being slower
than the n-type because of the lower current drive of the PMOS transistors. =
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6.3.2 Speed and Power Dissipation of Dynamic Logic

The main advantages of dynamic logic are increased speed and reduced implementation area,
Fewer devices o implement a given logic function implies that the overall load capacitance is
much smaller, The analysis of the switching behavior of the gate has some interesting pecaliari-
ties to it. After the precharge phase, the output is high. For a low input signal, no additional
switching occurs. As a result, #,;, = 0! The high-to-low transition, on the other hand, requires
the discharging of the output capacitance through the pull-down network. Therefore, 1, is pro-
portional to C; and the corrent-sinking capabilities of the pull-down network. The presence of
the evaluation transistor siows the gate somewhat, as it presents an extra series resistance, Omit-
ting this transistor, while functionally not forbidden, may result in static power dissipation and
potentially a performance loss.

The preceding analysis is somewhat unfair because it ignores the influence of the pre-
charge time on the switching speed of the gate. The precharge time is determined by the time it
takes to charge (; through the PMOS precharge transistor. During this time, the logic in the gate
cannot be ulilized, Very often, however, the overall digital system can be designed in such a way
that the precharge time coincides with other system functions. For instance, the precharge of the
arithmetic unit in a microprocesser could coincide with the instruction decode. The designer has
to be aware of this “dead zone™ m the use of dynamic logic and thus should carefully consider
the pros and cons of its usage, taking the overall system requirements into account

Example 615 A Four-Input Dynamie NAND Gate

Figure 6-53 shows the design of a four-input NAND example designed using the dynamie-
cireuit style. Due to the dynamic nature of the gate, the derivation of the voltage-transfer
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Figure 6-53 Schematic and transient response of a four-input dynamic NAND gate.

Dell Ex. 1025
Page 176



288

Chapter & = Designing Combinational Logic Gates in CMOS

characteristic diverges from the traditional approach. As discussed earlier, we assume that
the switching threshold of the gate equals the threshold of the NMOS pull-down transistor.
This results in asymmetrical noise margins, as shown in Table 6-10.

Table 6-10 The dec and ac parameters of a four-input dynamic NAND,

Transistors Vou Vor Y Ny NAE, ton Lorsi Lore

6 23V oV Yrw  25-Vye  Vou 110 ps Ops 83 ps

The dynamic behavior of the gate is simulated with SPICE. It is assumed that ali
inputs are set high when the clock goes high. On the rising edge of the clock, the ouput
node is discharged. The resulting transient response is plotted in Figure 6-33, and the
propagation delays are summarized in Table 6-10. The duration of the precharge cycie can
be adjusted by changing the size of the PMOS precharge transistor. Making the PMOS too
large should be avoided, however, as it both slows down the gate and increases the capaci-
tive 1oad on the clock line. For large designs, the latter factor might become 2 major design
concern becanse the clock load can become excessive and hard to drive.

As mentioned earlier, the static gate parameters are time dependent. To iflustrate
this, consider a four-input NAND gate with all the partial inputs tied together, and are
making a low-to-high transition. Figure 6-54 shows a transient simulation of the ountput
voltage for three different input transitions—ifrom € to 0.45 ¥, 0.3V and 0.55V, respec-
tively. In the preceding discussion, we have defined the switching threshold of the
dynamic gate as the device threshold. However, notice that the amount by which the out-
put voltage drops is a strong function of the input voltage and the available evaluvarion
timee. The noise voltage needed to corropt the signal has to be larger if the evaluation time
is short. In other words, the switching threshold is truly time dependent.

Vidtage, V

VS I DU SR
& 210 4G 5 a0 106

Fhre,ns
Figure 6-54 Effect of an input glitch on the output.

The switching threshold depends on the time for evaluation,
A larger glitch is acceptable if the evaluation phase is shorter.
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It would appear that dynamic logic presents a significant advantage from a power perspec-
tive, There are three reasons for this. First, the physical capacitance is lower since dynamic fogic
ases fewer transistors to implement a given function. Also, the load seen for each fan-oui is one
transistor instead of two. Second, dynamic logic gates by construction can have at most one ¢ran-
sition per clock cycle. Glitching {or dynamic hazards) does not ocour in dynamic logic. Finally,
dynamic gates do not exhibit short-circuit power since the pull-up path is not turned on when the
gate is evaluating.

While these arguments generally are tue, they are ofiset by other considerations: {1) the
clock power of dynamic logic can be significant, particularly since the clock node has a guar-
anteed transition on every single clock eycle; (2} the number of transistors is greater than the
minimal set required for implementing the logic; (3) short-circuit power may exist when leak-
age-combatting devices are added (as will be discussed further); and (4), most importantly,
dynamic logic generally displays a higher switching activity due to the periodic precharge and
discharge operations. Earlier, the transition probability for a static gate was shovnto be g p =
2o (1 — pg). For dynamic logic, the cutput transition probability does not depend on the state
{history) of the inputs, but rather on the signal probabilities. For an »-tree dynamic gate, the
gutput makes a 0 — 1 transition during the precharge phase only if the output was discharged
during the preceding evaluate phase. Hence, the O — | transition probability for an n-type
dynarmic gate is given by

49,1 = P (641}

where 3, is the probability that the output is zero. This number is always greater than or equal to
Po - For uniformly distributed inputs, the transition probability for an M-input gate is
N
Qg5 = _;3
2

{6.42)

where NV, is the number of zero entries in the truth table of the logic function.

Example 6.16 Activity Estimation in Bynamic Logic

To illustrate the increased activity for a dynamic gate, consider again a two-input NOR
gate. An n-tree dynamic implementation is shown in Figure 6-33, along with its static
counterpart. For equaily probable inputs, there is a 73% probability that the output node of
the dynamic gate discharges immediately after the precharge phase, implying that the
activity for such a gate equals 0.75 (i.e., Py = 0.75 C, V., f.i). The corresponding activ-
#y is a lot smaller, 3/16, for a static implementation. For a dynamic NANTY gate, the tran-
sition probability is 1/4 (since there is a 25% probability the output will be discharged)
while it is 3/16 for a static implementation. Although these examples illustrate that the
switching activity of dynamic logic is geperally higher, it should be noted that dynamic
togic has lower physical capacitance. Both factors must be accounted for when analyzing
dynamic power dissipation.
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Figure 6-55 Static NOR versus n-type dynamic NOR.

Problem 6.8  Activity Computation

For the four-input dynarsic NAND gate, compute the activity factor with the following assumption for the
inputs: They are independent, and p,_, =02, p;_, = 0.3, p., = 0.5, and p,_ = 0.4

6.3.3 Signal iniegrity Issues in Dynamic Design

Dynamic logic clearly can result in high-performance solutions compared to static circnits,
However, there are several important considerations that must be taken into account if one wanls
dynamic circuits o function properly. These include charge leakagpe, charge sharing, capacitive
coupling, and clock feedthrough. These issues are discuszed in some detail in this section.

Charge Leakage

The operation of a dynamic gate relies on the dynamic storage of the output value on a capaciter.
If the puil-down network is off. ideally, the output should remain at the precharged state of Vi,
during the evaluation phase. However, this charge gradually leaks away due to leakage currents,
eventually resuiting in a malfenctioning of the gate. Figure 6-36a shows the sources of leakage
for the basic dynamic inverter circait.

Source 1 and 2 are the reverse-biased diode and subthreshold leakage of the NMOS
pull-down device M|, respectively. The charge stored on C; will slowly leak away through
these leakage channels, causing a degradation in the high level (Figare 6-536b}. Dynamic cir-
cuits therefore require a minimal clock rate, which is typically on the order of 2 few kHz. This
makes the usage of dynamic techniques unaitractive for low-performance products such as
watches, or processors that use conditional clocks (where there are nc gnarantees on mini-
mum clock rates). Note that the PMOS precharge device also coniribuies some leakage cur-
rent due to the reverse bias diode (source 3) and the subthreshold conduction (source 4), To
some extent, the leakage current of the PMOS counteracts the leakage of the pull-down path.
As a resull, the output voltage is going to be set by the resistive divider composed of the pull-
down and pull-up paths.
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Figure 8-368 Leakag e issues in dynamic circuils.

Example 6.17 Leakage in Dynamic Circuits

Consider the simple inverter with all devices set at 0.5 um/€.25 lim. Assume that the input
is tow during the evaluation period. Ideatly, the output should remain at the precharged
state of ¥y, However, as seen from Figure 5-57, the output voltage drops. Once the out-
put drops beiow the switching threshold of the fan-cut logic gate, the output is interpreted
as a low veliage. Notice that the output settles to an intermediate voltage, due to the leak-
age current provided by the PMOS pull-up.

M)

o z,eg 4
s i
N :
Lok .
| .~
CLK
0.0 (P B B ,
i} T 20 a0 40

Time, ms

Figure 6-57 impact of charge isakage. The output settles to an intermediate
voltage determined by a resistive divider of the pull-down and pull-up deviges.

Leakage is caused by the high-impedance state of the output node during the evaluate
mode, when the pull-down path is turned off. The leakage problem may be counteracted by
reducing the output impedance on the output node during evaiuation. This often is done by
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Figure 6-58 Static bieeders compensate for the charge leakage.

adding a bleeder transistor, as shown in Figure 6-58a. The only function of the bleeder—an
NMOS style pull-up device—Iis to compensate for the charge lost due to the pull-down leakage
paths. To avoid the ratic problems associated with this style of circuit and the associated static
power consumption, the bleeder resistance is made high (in other words, the device is kept
small). This alfows the (sirong) pull-down devices to lower the Ont node substantially below the
switching threshold of the next gate. Often, the bleeder is implemented in a feedback configura-
tion to eliminate the static power dissipation altogether (Figure 6-38b).

Charge Sharing
Another important concern in dynamic logic is the impact of charge sharing. Consider the circuit
in Figure 6-59. During the precharge phase, the cutput node is precharged to V). Assume that all
inputs are set to 0 during precharge, and that the capacitance C,, is discharged. Assume further that
input B remains at 0 during evaluation, while input A makes 2 0 — 1 transition, turning transistor
M, on. The charge stored originally on capacitor C; is redistributed over € and C,. This causes
adrop in the output voltage, which cannot be recovered due to the dynamic nature of the cirenit.
The influence eon the output voltage is readily celculated. Under the assumptions given
previously, the following initial conditions are valid: V, (= 0) = Vp, and Vit =0) = 0. As a
result, two possible scenarios must be considered:

1. AV, < Vg, Inthiscase, the final value of Vy equals Vi — V7, (V). Charge conservation

then yields
CLVDD = CL Vmﬂ{ final} + C(![VDD - V‘?ﬁ( VX}}

or (6.43)

Cﬁ
éVm” = Vam(fmai}-i-(—VDD} = MEI;"{VDD—?TR{VX}E
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Figure 6-58 Charge sharing in dynamic nsetworks.

2. A§er{! > ;‘Tn‘ L’ﬂfﬁf and VX then reach the same value:
AV, = -V (— W (6.44)
o np j : C;J} X

We determine which of these scenarios is valid by the capacitance ratio. The boundary condition
between the two cases can be determined by seiting AV, equal [o Vy,, in Eq. (6.44), yielding

Cu V'fﬂ
P L {6.45)

Case | holds whean the (C /C, ) ratio is smaller than the condition defined in Eq. (0.45). If not,
Eq. (6.44) is valid. Overall, it is desirable to keep the value of AV,,, below |V | The output of

i
the dynamic gate might be connected to a static inverter, in which case the low level of V,,

would cause static power consumption. One major concern is a cireuit malfunction if the output
voltage is brought below the switching threshold of the gate it drives.

Example 6.18 Charge Sharing

Let us consider the impact of charge sharing on the dvnamic logic gate shown in Figure 6-60,
which impiements a three-input EXOR fumction y = A & B @ C. The first question o be
resolved is what conditions cause the worst case voltage drop on node v. For simplicity, ignore
the load inverter, and assume that all inputs me low during the precharge operation and that all
isclated mternal nodes (V,, ¥, V_, and V) are initially at OV,

Inspection of the truth table for this particular logic function shows that the output
stays high for 4 out of § cases. The worst case change in output is obtained by exposing
the maximuwm amount of iaternal capacitance to the output node during the evaluation
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Vﬁ Fi3 = 2.5 V
Load inverter

Figure 6-60 Exampie illustrating the charge-gharing effect in dynamic legic.

period. This happens for A B C or A B C. The voltage change can then be obtained by
eguating the initial charge with the final charge as done with equation Eqg. (6.44), yield-
ing a worst case change of 30/(30 + 50) * 2.3V = .94V, To ensure that the circuit fune-

tions correctly, the switching threshold of the connecting inverter should be placed below
2.5-094=156V.

The most commen and sffective approach to deal with the charge redistribution is to also
precharge critical internal nodes, as shown in Figure 6-61. Since the internal nodes are charged

CLK—9

CLK —

Figure 6-61 Dealing with charge sharing by precharging internal nodes. An NMGS
precharge lransistor may aiso be used, but this reguires an inverted clock.
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to Vp; during precharge, charge sharing does not ocour. This solution obviously comes at the
cost of increased area and capacitance.

Capacitive Coupling

The relatively high impedance of the oulput node makes the circuit very sensitive to crosstalk
effects. A wire routed over or next to a dynamic node may couple capacitively ard destray the
state of the floating node. Another equally important form of capacitive coupling is backgare (or
output-to-input) coupling. Consider the circuit shown in Figure 6-62a, in which a dynamic two-
input NAND gate drives a static NAND gate. A transition in the input /n of the static gate may
cause the output of the gate (¥u#,) to go low. This output transition couples capacitively to the
ather input of the gate (the dynamic node Out,) through the gate—source and gate—drain capaci-
tances of transistor M,. A simulation of this effect is shown in Figure 6-62b. It demonstrates how
the coupling causes the output of the dynamic gate Our, to drop significantly. This further causes
the output of the static NAND gate not to drop all the way down to 0 V and a small amount of
static power to be dissipated. If the voitage drop is large enough, the circuit can evaluate incor-
rectly, and the NAND ouiput may not go low. When designing and laying out dynamic circuits,
special care is needed to minimize capacitive coupling.

Clock Feedthrongh

A special case of capacitive coupling is clock feedthrough, an effect caused by the capacitive
coupling between the clock input of the precharge device and the dynamic output node. The cou-
pling capacitance consists of the gate-to-drain capacitance of the precharge device, and inciudes
both the overlap and channel capacitances. This capacitive coupling causes the output of the
dynamic node to rise above Vi, on the low-to-high transition of the clock, assuming that the
pull-down network is turned off. Subsequently, the fast rising and falling edges of the clock cou-
ple onto the signal node, as is quite apparent in the simulation of Figure 6-62b.

The danger of clock feedthrough is that it may cause the normally reverse-biased junction
diodes of the precharge transistor to become forward biased. This causes electron injeciion into
the substrate, which can be collected by a nearby high-impedance node in the 1 state, eventually
resulting in faulty operation. CMOS latchup might be another result of this injection. For all pur-
poses, high-speed dynamic circuits should be carefully simulated to ensure that clock
feedthrough effects stay within bounds.

All of the preceding considerations demonstrate that the design of dynamic circuits is
rather tricky and requires extreme care, It should therefore be attempted only when high perfor-
mance is required, or high guality design-automation tools are available.

6.3.4 Cascading Dynamic Gates

Besides the signal integrity issues, there is one major catch that complicates the design of
dynamic circuits: Straightforward cascading of dynamic gates to create multilevel logic struc-
tures does not work. The problem is best ilustrated with two cascaded r-type dynamic
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Figure 6-62 Example demonstrating the effect of backgate coupling:

{a) circuit schematics; (b) simulation resuils.
inverters, shown in Figure 6-63a. During the precharge phase {i.e., CLK = 0}, the outputs of
both inverters are precharged to Vp,. Assume that the primazy input /n makes a 0 — 1 traosi-
tion (Figure 6-63b). On the rising edge of the clock, cutput Ow; starts to discharge. The sec-
ond output should remain in the precharged state of Vpp as its expected value is 1 {Our,
transitions to O during evaluation). However, there is a finite propagation delay for the input to
discharge Ouwr, to GND. Therefore, the second output also starts to discharge. As long as Ot
exceeds the switching threshold of the second gate, which approximately equals Vr,. a con-
ducting path exists between O, and GND, and precious charge is lost at Qufy. The conduct-
ing path is only disabled once Gur, reaches Vi, and tumns off the NMOS pull-down transistor.
This leaves Our, at an intermediate voltage level. The correct level will not be recovered,
because dynamic gates rely on capacitive storage, in contrast to static gates, which have dc res-
toration. The charge loss leads to reduced noise margins and potential malfunctioning.
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Figure 6-83 Cascade of dynamic n-type biocks.

The cascading problem arises because the outputs of each gate—and thus the inputs to the
next stages—are precharged to 1. This may cause inadvertent discharge in the beginning of the
evaluation cycle. Setting all the inputs to 0 during precharge addresses that concern. When doing
so, all transistors in the pull-down network are turned off after precharge, and no inadvertent dis-
charging of the storage capacitors can cccur during evaluation. In other words, correct operation
is gnaranieed as long as the inputs can only make a single ## — 1 transition during the evalu-
ation period.” Transistors are turned on only when needed—and at most, once per cycle. A
number of design siyles complying with this rule have been conceived, but the two most impor-
tant ones are discussed next.

Domino Logic

Concept A domino iogic module [KrambeckB82] coasists of an n-type dynamic logic block
followed by a static inverter (Figure 6-64). During precharge, the output of the n-type
dynamic gate is charged ap to Vpp. and the output of the inverter is set to 0. During evalua-
tion, the dynamic gate conditionally discharges, and the output of the inverter makes a condi-
tional transition from 0 — 1, If one assumes that all the inputs of a domino gate are outputs
of other domino gates,’® then it is ensured that all inputs are set to O at the end of the pre-
charge phase, and that the only transitions during evalvation are 0 —» 1 transitions. Hence,
the formuiated rule is obeyed. The introduction of the static inverter has the additional advan-
tage that the fan-out of the gate is driven by a static inverter with a low-impedance outpu,
which increases noise immunity. Also, the buffer reduces the capacitance of the dynamic out-
pot node by separating internal and load capacitances. Iinally, the inverter can be used to
drive a bleeder device to combat leakage and charge redistribution, as shown in the second
stage of Figure 6-64.

SThis ignores the impact of charge distribution and leakage effects, discussed earfier.
St is required that all other inputs that do not falt under this clessification (for instance, primary inputs} stay constant
during evaluation.
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Figure 6-64 Domino CMOS logic.

Consider now the operation of a chain of domine gates. During precharge, all inputs are
set to 0. During evaluation, the output of the first domino block either stays at 0 or makes a
0 — 1 transition, affecting the second gate. This effect might ripple through the whote chain,
one after the other, similar to a hne of falling dominoes—hence the name. Domino CMOS has
the following properties:

« Since each dynamic gate has a static inverter, oniy noninverting logic can be implemented.
Although there are ways io deal with this, as discussed in a subsequent section, thisis a
major limiting factor, and pure demino design has thus become rare.

* Very high speeds can be achieved: only a rising edge delay exists, while 1., equals zero.
The inverter can be sized to match the fan-out, which is already much smaller than in the
complimentary static CMOS case, as only a single gate capacitance has to be accounted
for per fan-out gate.

Since the inputs io & domino gate are low during precharge, it is tempting to climinate the
evaluation transistor because this reduces clock lead and increases pull-down drive. However,
eliminating the evaluation device extends the precharge cycle—the precharge now has to ripple
through the logic network as well, Consider the logic network shown in Figure 6-65, where the
evaluation devices have been eliminated. If the primary input Jr| is T during evaluation, the out-
put of each dynamic gate evaleates to 4, and the output of each static inverter is 1, On the falling
edge of the clock, the precharge operation is started. Assume further that /n;, makes a high-to-
low transition. The input to the second gate is initially high, and it takes two gate delays before
In, is driven low. During that time, the second gate cannot precharge its output, as the pull-down
network is fighting the precharge device. Similarly, the third gate has to wait until the second
gate precharges before it can start precharging, ete. Therefore, the time taken to precharge the
logic circuit is equal to its critical path. Another important negative is the extra power dissipation
when both pull-up and pull-down devices are on. Therefore, it is good practice to always utilize
evaluation devices.
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Figure 6-65 Effect of ripple precharge when the evaluation transistor is removed.
The circuit also exhibits static power dissipation.

Dealing with the Noninverting Property of Domino Logic A major limitatior in dominc
togic is that only noninverting logic can be iimplemented. This requirement has limited the wide-
spread use of pure domino logic. There are several ways to deal with it, though. Figure 6-66
shows one approach to the problem—rearganizing the lopic using simple boolean transforms
such as De Morgan’s Law. Unfortunately, this sort of optimization is not always possible, and
more general schemes may have to be used.

A general {but expensive) approach to sclving the problem is the use of differentiai logic.
Dual-roii dominoe is similar in concept to the DCVSL structure discussed earlier, but if uses a
precharged load instead of a static cross-coupled PMOS load. Figure 6-67 shows the circuit
schematic of an AND/NAND differential logic gate. Note that all inputs come from other differ-
ential demino gates. They are low during the precharge phase, while making a conditionai 0 — 1
transition during evaluation. Using differential domino, it is possible to Implement any arbitrary
function. This comes at the expense of an increased power dissipation, since a transition is guar-
anteed every single clock cycle regardiess of the input values—either J or O must make a0 — 1
transition. The function of rassistors M;; and 3, is to keep the circuit static when the clock is
high for extended pericds of time (bleader). Notice that this circuit is not raticed, even in the
presence of the PMOS pull-up devices! Due 1o its high performance, this differential approach is
very popular, and is used in several commercial microprocessors.

ngino AND
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(z} Before logic transformation {Iy) Alter logic transformation

Figure 6-66 Restructuring logic 1o enable implementation by using noninverting doming logic.
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Figure 5-67 Simple dual rail {differential) domino logic gate.
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Optimization of Domine Logic Gates  Several optimizations can be performed on dominelogic
gates. The most obvious performance optimization involves the sizing of the transistors in the static
inverter. With the inclusion of the evaluation devices in domino circuits, all gates precharge in par-
aliel, and the precharge operation takes only two gate delays—charging the output of the dynaimic
gate to Vpp,, and driving the inverter output low. The critical path during evaluation goes through
the pull-down path of the dynamic gate and through the PMOS pull-up transistor of the static
inverter. Therefore, to speed up the circuit during evaluation, the beta ratio of the static inverter
shouid be made high so that its switching threshoid is close to V.. This can be accomplished by
using a small (minimum-sized) NMOS and alarge PMOS device. The minimum-sized NMOS only
affects the precharge time, which is generally limited due to the parallel precharging of ali gates.
The only disadvantage of using a large beta ratio is a reduction in noise margin. Hence, a designer
should censider reduced noise margin and performance impact simultaneously during the device
sizing.

Numerous variations of domino logic have been proposed {Bernstein98]. One optimization
that reduces area is muftiple-output domino logic. The basic concept is illustrated in Figure 6-68.
It exploits the fact that certain cutputs are subsets of other outputs te generate a number of logical
functions in a single gate. In this example, 03 = C + D is used in all three outputs, and thus it is
implemented at the bottom of the pull-down network. Since G2 equals B - O3, it can reuse the
logic for 03. Notice that the internal nodes have to be precharged to ¥, to prodace the correct
results. Given that the internal nodes precharge to V., the number of devices driving precharge
devices is not reduced. However, the number of evaluation transistors is drastically reduced
because they are amortized over multiple outputs. Additionally, this approach resuits in a reduc-
tion of the fan-out factor, again due to the reuse of transistors over multiple functions.
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Figure 6-68 Multiple-output domina.

Compound domino (Figure 6-69) represents another optimization of the generic domino
gale, once again minimizing the number of transistors. Instead of each dysamic gate driving a
static inverter, it is possible to combine the outputs of multiple dynamic gates with the aid of a
complex static CMOS gate, as shown in Figure 6-69. The outputs of three dynamic structures
{implementing 01 =A B C, 02 =D E F and 03 = G H) are combined using a single complex
CMOS static gate that implements O = (01 + 02} O3. The total logic function realized this way
SO=ABCDEF+GH.

Compound domino s a usefu] tool for constructing complex dynamic logic gates. Large
dynamic stacks are repiaced by parallel structures with small fan-in and complex CMOS gates.
For example, a large fun-in domino AND can be implemented as a set of parallel dynamic
NAND structures with lower for-in, combined with a static NOR gate. One important consider-
ation in Compound domino is the problem associated with backzate coupling. Care must be
taken to ensure that the dynamic rodes are not affected by the coupling between the outpur of
the static gates and the output of dynamic nodes.

ap-CMOS

An alternative approach to cascading dynamic logic is provided by np-CMOS, which uses two
flavors {n-tree and p-tree) of dynamic logic, and avoids the extra static inverter in the critical
path that comes with domino logic. In a p-tree logic gate, PMOS devices are used to build a pull-
up logic network, including a PMOS evaluation transistor ({Gongalvez®3, Priedman84, Lee86]).
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Figure 6-69 Compound domino logic uses complex static gates
at the output of the dynamic gates.
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Figure 6-70 The np-ChMOS logic circuit style.

(see Figure 6-70), The NMOS predischarge transistor drives the output low during precharge
The output conditionally makes a 0 — [ transition during evaluation depending on its inputs.
np-CMOS logic exploits the duality between n-tree and p-tree logic gates to eliminate the
cascading problem. If the n-tree gates are controlled by CLK, and p-tree gates are controlled
using CLK, n-tree gates can directly drive p-tree gates, and vice versa. Similar to domino, n-tree
outputs must go through an inverter when connecting to another s-tree gate. During the

Dell Ex. 1025
Page 191



6.4 Perspectives 303

precharge phase (CLK = (), the output of the n-tree gate, Out;, is charged to Vp,;, while the
output of the p-tree gare, Our,, is predischarged to 0 V. Since the p-tree gate connects PMOS
pull-up devices, the PUN of the p-tree is turned off at that time, During evaluation, the output of
the n-tree gate can only make a 1 — O ransition, conditionally turning on some transistors in the
p-iree. This ensuares that no accidental discharge of Out, can occur. Similarly, s-tree blocks can
follow p-tree gates without any problems, because the inputs to the s-gate are precharged to 0. A
disadvantage of the np-CMOS logic style 1s that the p-tree blocks are slower than the n-{ree
modules, due to the lower current drive of the PMOS transistors in the logic network. Equalizing
the propagation delays requires extra arca. Also, the lack of buffers requires that dynamic nodes
are routed between gates.

6.4 Perspectives

8.4.1 How to Choose a Logic Style?

In the preceding sections, we have discussed several gate-implementation approaches using the
CMOS technology. Each of the circuit styles has its advantages and disadvantages. Which one to
select depends upen the primary requirement: ease of design, robustness, area, speed, or power
dissipation. No single style optimizes all these measures at the same time. Even more, the
approach of choice may vary from logic function to logic function,

The static approach has the advantage of being robust in the presence of noise. This makes
the design process rather trouble free and amenable to a high degree of automation. It is clearly
the best general-purpose logic design style. This ease of design does come at a cost: For complex
gates with a large fan-in, complementary CMOS becomes expensive in terms of area and perfor-
mance. Alternative static logic styles have therefore been devised. Pseudo-NMOS is simpie and
fast at the expense of a reduced noise margin and static power dissipation. Pass-transistor logic
is attractive for the implementation of a number cof specific circnits, such as multiplexers and
XOR-dominated logic like adders.

Dynamic logic, on the other hand, makes it possible to implement fast and small complex
gates. This comes at a price, however. Parasitic effects such as charge sharing make the design
process a precarious job. Charge leakage forces a periodic refresh, which puts a lower bound on
the operating freguency of the circuil.

The current trend is towards an increased use of complementary siatic CMOS. This ten-
dency is inspired by the increased use of design-automation {ools ai the logic design level. These
tools emphasize optimizaticon at the logic level, rather than at the circuit level, and they put a pre-
mium on robustness. Another argoment is that static CMOS is more amenable to voltage scaling
than some of the other approaches discussed in this chapter,

6.4.2 Designing Logic for Reduced Supply Voltages

In Chapter 3, we projected that the supply voltage for CMOS processes will continue te drop
over the coming decade, and may go as low as 0.6 V by 2010. To maintain performance under
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Figure 6-71 Voltage Scaling (V,p/Vron detay and leakage).

those conditions, it is essential that the device tiresholds scale as well. Figure 6-71a shows a plot
of the (V;, V) ratio required to maintain a given performance level (assuming that other device
characteristics remain identical}.

This trade-off is not without penalty. Reducing the threshokd voltage increases the sub-
threshold leakage current exponentially, as we derived in Eq. (3.39) (repeated here for the sake
of clarity):

V¥ AV
1f€f¥f<gge = 5510 g [1 - 10 3 } {6.46)

In Bq. (6.46), S is the slope facior of the device. The subthreshold leakage of an mverter is the
current of the NMOS for V,, = 0V and V,,, = Vp; {or the PMOS current for V,, = Vpp, and
V,.«= ). The exponeatial increase in inverter leakage for decreasing thresholds is iltustrated in
Figure 6-71b.

These leakage currents are a concern particularly for designs that feature intermittent com-
putational activity separated by long periods of inactivity. For example, the processor m a cellular
phone remains in idle mode for a majority of the time. While the processor is in idle mode, ideally,
the system should consume zero or near-zero power. This is only possible if leakage is low——that
is, the devices have a high threshold voltage. This is in contrast to the scaling scenario that we just
depicted, where high performance under low supply voltage means reduced threshelds. To satisfy
the contradicting requirements of high performance during active periods and low leakage during
standby, several process modifications or leakage-control techniques have been introduced in
CMOS processes. Most processes with feature sizes at or below 0.18 pm CMGS support devices
with different thresholds—typically a device with Iow threshold for high-performance circuits, and
a transistor with high threshold for feakage control. Another approach gaining popularity is the
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