Static MOS Gate Circuits

5.1 introduction

This chapter addresses the design of combinational and sequential CMOS static
logic gates. The material is built upon the foundations established in Chapter 4, In
this chapter, we will continue to view the transistor as a logic switch with series
resistance. For a unit-sized NMOS device, the series resistance is approximately
12.5 k{), whereas a unit-sized PMOS device is approximately 30 k(). These large-
signal resistance values represent the average on-resistances when switching from
high to low or low to high. Using the concepts of switch-based logic design, we can
construct combinational logic gates such as NANDs, NORs, XORs, and multiplex-
ers. We will examine the operation of these gates in detail and then study the volt-
age transfer characteristics (VIC), transistor sizing, first-order timing characteris-
tics, and power. Extensions of switch-based networks can be used to implement
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196 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

complex logic functions in a single CMOS stage through the application of the
duality principle and DeMorgan’s Laws.

Sequential logic elements have the ability to store information. The outputs of
a sequential block are functions of both input and output values. As such, they are
characterized by positive feedback loops between the outputs and inputs. In this
chapter, the definitions and distinctions between two types of sequential elements,
flip-flops and latches, are reviewed. Sequential circuits are constructed using con-
ventional CMOS or pseudo-NMOS logic. In later chapters, we use clever techniques
to reduce the number of transistors needed to implement these functions. The basic
operation, limitations, and timing constraints for a variety of sequential elements
are examined, including SR latches, JK flip-flops, D flip-flops, and D latches. We also
describe certain timing constraints, the so-called set-up and hold times, for D-type
flip-flops and latches.

Power and timing are the two main design specifications for digital integrated
circuits. In this chapter, we explore the relationships between these two factors. We
seek to minimize power and reduce delay as much as possible, but usually one is
traded off against the other. Circuit activity is a key factor in the total power dissi-
pation. Reducing the activity of a chip is the best way of reducing dynamic (or
switching) power in CMOS circuits. This can be accomplished most effectively by
choosing logic architectures that exhibit low activity. In addition, the arrival times
of signals at gate inputs should be made equal to minimize glitches that unneces-
sarily contribute to power consumption. Further, the rise and fall times of all signals
should be equalized, wherever possible, to limit power due to short-circuit current
flow during switching. Power consumption of most circuits can also be decreased
by reducing the operating voltage. This is the main reason why the supply voltage is
reduced in each technology generation.! However, the threshold voltage has not
been scaling as rapidly in order to control subthreshold leakage. When many mil-
lions of transistors are sitting idle but leaking current, it contributes significantly to
the static (or standby) power consumption.

Since power and timing are usually traded off when designing circuits, a met-
ric is needed to establish the goodness of a design relative to these two factors. To
improve a design, we should try to reduce both power and delay. Therefore, a use-
ful metric can be devised by multiplying the power by the delay to obtain a power-
delay product, which is a measure of the energy needed to perform a given logic
operation. This metric is most valuable when comparing single gate configurations
that use the same supply voltage and drive the same load. However, it suffers from
some limitations if used to compare the power of two different designs that perform
the same function. A more effective metric when comparing two designs is the
energy-delay product. This metric is obtained by multiplying the energy (i.e.,
power-delay product) by delay.

! Roughly speaking, the power supply voltage (in volts) is 10 times the technology generation (given in
microns). For example, a 3.3 V supply is used in a 0.35 wm technology, a 1.8 V supply in a 0.18 um technol-
ogy, and a 1.2 V supply in a 0.13 um technology.
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STATIC MOS GATE CIRCUITS 197

In this chapter, basic static NAND and NOR gate circuits are described in Sec-
tion 5.2 with emphasis on gate sizing, voltage transfer characteristics, and fanin/
fanout considerations. Section 5.3 illustrates how complex functions can be imple-
mented in a single CMOS stage using duality and DeMorgan’s Law. The other use-
ful logic functions such as XOR, XNOR, and multiplexers are described in Sections
5.4 and 5.5, respectively. Basic sequential circuit elements are explored in Sections
5.6 and 5.7. To conclude the chapter, we examine the important components of
power dissipation in Section 5.8, and power-delay tradeoffs in Section 5.9.

5.2 CMOS Gate Circuits

To build NOR and NAND gates in CMOS is rather straightforward. We use the
switch-level concepts that two NMOS transistors in series perform a logical AND
function and two NMOS transistors in parallel perform a logical OR function. Sim-
ilarly, two PMOS transistors in parallel perform an AND function and two PMOS
transistors in series perform an OR function. The resulting circuits for the 2-input
NOR and 2-input NAND gates are illustrated in Figure 5.1. For the 2-input NOR
gate of Figure 5.1a, the output is pulled low if either A or B is high. This requires
two pull-down devices in parallel. However, both inputs must be low to produce a
high output. This requires two series p-channel devices connected from the output
to Vpp. All NMOS devices have their bulk terminals connected to Gnd, while the
PMOS devices have their bulk nodes connected to V.

For the 2-input NAND gate of Figure 5.1b, the output is low only if both A and
B are high. This implies two series-connected n-channel devices from the output to
ground. On the other hand, if either input is low, then the output will go high. This
can be implemented with two parallel p-channel devices connected from Vp, to the
output. The extension to multiple input gates follows along the same lines. Specifi-
cally, for a multiple fanin NOR gate, we would have many paralle] NMOS devices

VDD VDD

F=AB

i

(a) 2-input NOR gate (b) 2-input NAND gate

Figure 5.1
CMOS NOR and NAND gates.
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STATIC MOS GATE CIRCUITS 201

resistance of the transistor. What if we had three different W values in the series
stack? When determining an equivalent W,,, one can use the fact that the W values
would combine as if we had parallel resistance.” For example, if we have three tran-
sistors in series with widths W), W,, and W,, we would combine them together to

form an equivalent device with a width
W W, W,

W, = W, T WW, + Wi, (series stack, all deviceson)  (5.1)

This value can be used to determine on-resistance of the combined devices. For the
case when all W’s are equal to 3W,,, this reduces to W,, as expected.

In the case of a NOR gate, if all parallel pull-down devices are on simultane-
ously, the W values would combine as if we had series resistance to produce the

equivalent value, W,:
W,=W + W, + W, (parallel devices, all devices on) (5.2)

Of course, we design the NOR gate assuming that only one pull-down device is on
at a time, since this is the worst case.

e T R

3-Input NAND and NOR Gate Sizing
Problem:

Determine the device sizes for 3-input NAND and NOR gates in conventional
CMOS. Assume that the basic inverter is sized according to Figure 5.2a and that the
goal of the design is to have NAND3 and NOR3 gates with the same delay charac-
teristics as the inverter.

Solution:

Applying the considerations given in the above section, we derive the following
sizes for the NAND3 and NOR3, respectively.

Example 5.1

7 Here we make use of the inverse relationship between R and W. The series stack produces series resistance,
not parallel resistance!
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a—q
b —q

DD
D

Figure 5.6
Schematic rendition of DeMorgan’s Law.

One alternative is to use DeMorgan’s Laws and a pseudo-NMOS NOR gate to
replace the AND gate. DeMorgan’s Laws, in the most basic form, can be stated as

(ab)=a+b (5.3)

Graphically, we can represent the two equations as shown in Figure 5.6.

The application of DeMorgan’s Law for the AND8 is shown in Figure 5.7a. Here
the inputs to the AND gate are all inverted. We will need additional inverters at each
input but they are not shown. The AND gate is converted to an 8-input NOR. The
pseudo-NMOS implementation is shown in Figure 5.7b. This gate dissipates more
power than the static implementation and exhibits a larger £y ;. But the area is
greatly reduced relative to the 8-input CMOS NAND because we only have one

pull-up device, the pull-downs are much smaller, and the t,,; is significantly lower.
¥

=D gD

(@)

i

St 4& 1 4&4& i 4i AL

(b)

Figure 5.7
Using DeMorgan’s Law to convert AND to NOR.
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Y Y Yy

i
HHS IHHE S HH S

Figure 5.9
An inverter driving four identical fanouts.

specified without knowing the actual load being driven. Typically, gates are designed
to drive a specific number of fanouts to deliver a specific target delay. In fact, dif-
ferent cells are designed to drive a different number of loads. Ultimately, the choice
of the width, W, is based on E‘this. fanout ratio, as will be seen in Chapter 6.

5.2.3 Voltage Transfer Characteristics (VTC) of CMOS Gates

The VTC of CMOS gates are very similar to that of the CMOS inverter. Since there
are multiple inputs, the actual characteristics depend on how the inputs are
switched. For the 2-input NAND gate, shown in Figure 5.10, we first consider the
case when one input is held high while the other is switched from low to high. In
this case, one p-channel device can be removed from consideration (open circuit)
while one n-channel device can be handled as a short-circuit since it behaves like a
small resistor. If input A is held high while input B is switched from low to high, the
gate is equivalent to an inverter with a 2W pull-up device and a 2W pull-down
device. The resulting transfer characteristic would shift to the left of the standard
inverter. If both inputs were switched together, we would have a 4W pull-up device
and a W pull-down device, so the VIC would shift to the right of the standard
inverter. These two curves are shown in Figure 5.10 relative to the standard inverter.

For the 2-input NOR gate, shown again in Figure 5.11, we would obtain simi-
lar results. Assume that input B = 0, while the A input is switched from low to high.
In this case, one n-channel device can be removed from consideration (open cir-
cuit) while one p-channel device can be treated as a short-circuit. This implies that
we have an equivalent inverter with a 4W pull-up device and a W pull-down device.
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SPICE Exarnple of VTC for NAND Gate in 0.18 um Technology

Problem:

(a) Compute the switching threshold, V, of a 2-input NAND gate shown in
Figure 5.10 under two conditions: with one input tied to V,, while the
other input is swept from 0 to Vp, and a second case where both inputs are
tied together. Assume 0.18 um technology parameters with all transistor
widths set to 400 nm.

(b) Using SPICE, compare the VTC curves of a 2-input NAND for the two cases
above and compare the switching threshold results. Also include the two
inputs, A and B, switching separately. Why are the results slightly different
for each input?

Solution:

(a) When one input is high and the other is varied from 0 to V,,,, it is equiva-
lent to having a pull-up with W,=400 nm and a pull-down of W, =400
nm (treat the other one as a very small resistor):

Wy = 400 nm, W, = 400 nm:

Wylkaly _ [WiEe _ [(400}(24) =20
Wo/Ecel, WeEcy (400)(6)
1.8 — 0.5 + (0.5)2.0

- =077V
Ys 1+ 20

¥
When both inputs are varied from 0 to Vy, itis equivalent to having a pull-up with
W, = 800 nm and a pull-down of 200 nm:

W, = 800 nm, WP = 200 nm:

. Wiy 7y _
“Vw /ECPLP Wik N @0)6)

18— 05 + (05)10 _
1+10

(b) To compare the results against SPICE, use the following descriptions:

*NAND Gate with one input B tied to Vdd, input A switching
*Set supply and library

S

Example 5.2

.param Supply=1.8 *for 0.18 technology

.1ib ‘bsim3v3.cmospl8.lib’

.opt scale=0.1lu *Set lambda

*Power supply

.global vdd  Gnd

vaa vdd Gnd ‘Supply’ *Supply is set by .lib call
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Vin in Gnd ‘Supply’

*Simulation

.de Vin 0 ‘Supply’ ‘Supply/50°
.plot dc V{out)

.end

The following results are produced by SPICE:

1.8
1.6
1.4
1.2+

1
0.8
0.6
0.4
0.2

0 1
0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8

T

VO‘.H (V)

T 1 1 T 1

As expected, the curve with both inputs tied is to the right of the curve for single
inputs. From SPICE, V= 0.745 V for input A switching, V¢ = 0.721 V for input B
switching, and V; = 0.883 V for the case where the two inputs are tied together.
These are close to the hand calculated values. The hand calculations tend to pro-
duce slightly higher values due to the approximations made to simplify the expres-
sion for V. The reason why input A produces a slightly higher value of V; is that the
corresponding transistor experiences body effect during the switching process.

5.3 Complex CMOS Gates

There are many situations where we would like to implement more complicated
functions than just NANDs and NORs. For example, if we wanted to realize the
logic for

F={A+B):C (5.4)

we could implement it as a series of multilevel logic gates consisting of ANDs, ORs,
and inverters. However, CMOS lends itself to efficient implementation of such
functions through the use of duality and DeMorgan’s Laws. Implementations of this
variety are referred to as AND-OR-INVERT (AOI} and OR-AND-INVERT (OAI)
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gates. Consider the fact that in a NAND gate, we have parallel PMOS devices and
series NMOS devices. These are duals of each other. Similarly, NOR gates have par-
allel NMOS devices and series PMOS devices. Again, these are duals of each other.

The dual of any logic function can be obtained by exchanging the AND and OR
operations. For example, the following functions are duals:

ab=an-+ b

(a + byesrab+ ¢

We encountered a special case of DeMorgan’s Laws earlier in the chapter. In general,
DeMorgan states that the complement of a function can be obtained by replacing
each variable or element with its complement, and then exchanging the AND and
OR functions. This is one of the most valuable rules in Boolean algebra and it is
extremely useful in constructing the PMOS and NMOS configurations for complex
CMOS gates.

For the function given in Equation (5.4}, we could apply DeMorgan as follows:

F=(A+B)-C=A+B +C=4-B+C (5.5)

The logic expressions for F in Equations {5.4) and (5.5) tell us how to implement
the CMOS circuit in one logic stage. If we first examine Equation (5.4}, it specifies
how the NMOS devices should be configured. Since the NMOS transistors act to
pull the output low, we should complement F to obtain its implementation. The
NMOS functionis F = {4 + B} - C. The NMOS implementation requires two par-
alle}l transistors with inpuis A and B in series with a third transistor with input C.

Equation (5.5} reveals how we should implement the PMOS function. Since the
PMOS function pulls the output high and the devices effectively complement each
term, we should implement the function after a term-by-term complement. That is,
we should implement F= AB + Cusing the PMOS devices. This requires two series
PMOS devices to implement AB and one parallel transistor with the input C. The
resulting function is an OAI function, as shown in Figure 5.12.

To generalize the example shown above, we need to combine duality and
DeMorgan to produce a desired function in a single stage. In fact, we need to con-
struct two switch networks to implement a function in CMOS: a pull-down net-
work (n-complex) and a pull-up network (p-complex), as shown Figure 5.13. The
n-complex is defined as the complement of the function that sets the cutput to 0
due to an active path to Gnd. The p-complex is defined as the function of comple-
mented variables that sets the output to 1 creating a path to V5. The two functions
should be duals of one another (after each literal is complemented).

Algorithmicatly, we should take the given function F and produce the comple-
ment to obtain the function that we implement in the n-complex. The dual network
should be used for the p-complex. This is obtained by exchanging AND and OR
operations. A visual inspection of the two networks for the duality property can be
carried out to check for correctness at the end of the process. Sizing the transistors
follows the same steps as described for the basic NAND and NOR gates.
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12

Figure 5.12
Comglex CMOS gate implementation of {A + 8) < C.

Yoo
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B — p-complex
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B — n-complex
[ o

Figure 5.13
Generalized complex gate representation

m
Complex CMOS Gate Circuits Example 5.3

Problem:

Implement f = AB + CD as a single-stage complex CMOS gate and a pseudo-
NMOS gate.

Solution:

For the CMOS gate: first complement F to obtain the n-complex function:
F = AB + CD.Thisimplies that we need two series NMOS paths in parallel with one
another, One serles path implements AB while the other implements ¢D.
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Next, take the dual of the complement of F:
Flaww = (A + BY)(C + D)

This is the function implemented in the p-complex. The same expression wouid be
obtained if we applied DeMorgan’s Law to F and then complemented each literal,

This implies that we need a series connection of two parallel devices,one with A or
B and the other with Cor D,

For the pseudo-NMOS gate, enly the first part is needed te construct the n-complex.

The puli-up network is, of course, only a single PAMOS device. Clearly, this is more
efficient than the CMOS case in terms of area.

VBD

5.4 XOR and XNOR Gates

Two logic functions that are important in digital design are the XOR and the XNOR
functions:

fxor = Ab + ab = (XOR)
funor = 4 b + ab = (XNOR)
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a o f
1
(a)

(o)

Figure 5.14
Static implementation of {a) XOR and (b) XNOR gates.

There are a variety of ways to implement these functions. A number of static ver-
sions of these gates will be presented here, while versions based on the CMOS trans-
mission gate will be presented in later chapters.

_  Thestraightforward implementation assumes that we have access to @, 3, b, and
b. In that case, the implementations are simply based on the material in the above
sections. The corresponding circuits are shown in Figure 5.14. For the XOR gate, we
first complement the fy, function and use it to create the pull-down function.
Therefore, two branches are needed, one for ab and the other for 2b. The transistor
configuration can be interpreted as follows: if both a and b are high, or a and b are
low, the output is low. Otherwise, the output is high.

The pull-up branch implements the fi, function directly but replaces each
term with its complement. The result is shown in Figure 5.14a. Note that the addi-
tional connection between the p-channel devices is unnecessary in this case {(shown
as a dotted lne). '

A similar process is used to obtain the XNOR gate of Figure 5.14b. In this case,
the pull-down tree consists of the complement of fyy, with each branch imple-
menting a & and a b, respectively. This implies that if 2 and & are different, the out-
put will be low. Otherwise it will be high. The pull-up network should implement
the dual, with parallel connections in place of the series connections of the puli-
down tree.

Dell Ex. 1038
Page 182



214 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

(& )

Figure 5.15
Multiplexer (a} logic symbel and (b) CMOS implementation.

5.5 Multiplexer Circuits

The multiplexer circuit produces an output by selecting one of N inputs. There are
many ways to implement this type of circuit. We will examine transmission gate
versions in Chapter 7. Here we examine the simplest possible multiplexer to select
one out of two possible inputs. The function to be implemented is

f=as+ 5 (MUX)

where 5 is the selection signal and @ and ¥ are the two inputs. This function is rem-
iniscent of the XOR and XNOR gates and can be implemented in a similar fashion
as shown in Figure 5.15. The multiplexer is often referred to in its short form as the
MUX.

5.6 Flip-Flops and Latches

In all logic circuits described so far, the output is directly related to the input by
some logic combination. Typically, there are no feedback loops in these circuits, so
the outputs are always a logical combination of the inputs. As a class, these circuits
are known as combinational logic circuits®

There is another class of circuits, known as sequential logic cireuits, in which the
new outputs also are dependent on the inputs and the preceding values of outputs.
Examples are counters and data registers. A characteristic of static sequential cir-
cuits is that one or more output nodes are intentionally connected back to inputs o
give positive feedback, or regeneration. This is the same type of regenerative property

¢ Some have been known to inadvertently use the term combinatorial circuits rather than the correct term:
combinational circuits.
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: that was described for inverter cheins, except that the signal propagates around
feedback loops in sequential circuits.

; Basic to sequential circuils is the bistable circuit. This type of circuit has two
stable operafing points. Prominent examples of the bistable circuit found in digi-
tal ICs are

1. Latches
2. Flip-flops

These two terms have been used interchangeably in the literature, but there is a fun-
damental difference between them. We will explore this difference in more detail
throughout this section, but a brief explanation of the two types of elements is in
order here. Latches propagate values from input to output continuously when
enabled (typically by a clock signal) whereas flip-flops propagate values at discrete
points in time {typically on the rising or faliing edge of a clock). As such, latches are
i said to be level-sensitive or transparent, whereas flip-flops are said to be edge-
triggered. This section will elaborate these concepts and include analysis and design
of these circuits using CMOS technologies. The circuits can be implemented
i directly using the gates described above, although more efficient architectures are
available as seen in later chapters.

5.6.1 Basic Bistahle Circuit

We begin with a simple bistable circuit and progress to the elements that are used

in mainstream chip design. Shown in Figure 5.16 are two cross-coupled logic invert-
: ers and a voltage transfer characteristic that is typical of such a circuit. The plotted
{ VIC for Inverter 1, V,,, versus V,, and Inverter 2, V,, versus V,,,, are shown on the
: same graph. Note that there are three possible operating points for the circuit:
‘ points A, B, and C. A and B are stable operating points, while Cis an unstable point
! {(sometimes referred to as a metastable point).
: At point A, the low voltage level of ¥, results in a high voltage level at V,
; which causes a low level at V, . Similarly, the high voltage level of ¥, at point B

Vou &

Inverter |

Inverier 2

Vor Vg Vou W

@& )]

Figure 5.16
Crass-coupled inverters and corresponding VTC,

-

|
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causes a low level at V,,, which in turn reinforces the high level of V.. Since these
two operating conditions are self-consistent, A and B are considered to be stable
points of operation. Alternatively, the gain of the two inverters at the two stable
points is less than unity which keeps their outputs stable.

At point C, the slope is positive and greater than unity (in magnitude). Both
Inverter I and 2 are conducting. As a result, point Cis unstable since any small volt-
age change introduced into the cirenit at, say, V;, will be amplified and regenerated
around the circait loop, causing the operating point to move to one of the two sta-
ble points. With ¥, made positive with respect to V, due to noise, stability is
reached at point B. With the polarity of the noise source reversed, stability is real-
ized at point A. Note that the cross-over point is the switching threshold, V, a value
that was used to determine the single source noise margin. In essence, the cross-
coupling of two inverter circuits results in a bistable circuit with two stable states.
For stability it is necessary that the voltage gain around the loop be less than 1; oth-
erwise, the positive gain will amplify the change and eventually force the outputs to
switch to the opposite state due to the regenerative effect.

For a bistable circuit to change state it is necessary that the voltage gain of the
circuit be made greater than 1. This can be accomplished by introducing a trigger
voltage pulse at V,,. With the input of Inverter 1 in the low state, a positive trigger
pulse is required at V},. The voltage amplitude of the pulse should be sufficient to
raise the voltage past V where the gain of the circuit is greater than unity; then, due
to the cross-coupled circuit and resulting positive feedback, the trigger pulse will be
regenerated and a change to the opposite state will be initiated.

The width of the trigger pulse need be only a little greater than the total prop-
agation delay time around the circuit loop. The average propagation delay for a sin-
gle gate is given by

g, + tory

=T (5.6)

where tpz; is the high-to-low propagation delay, and fp;,; is the low-to-high propa-
gation delay. The delay around the inverter loop is tpy + fpy, that is, twice the
average propagation delay time of the logic inverters. So long as the trigger pulse is
greater than this value, the circuit will change state.

In summary, a bistable circuit may be triggered to move from one stabie state
to the other by moving an input past V; for a duration of 21;. In the absence of 2
trigger, the circuit remains in that stable state indefinitely, provided that power
remains applied to the circuit. Another common name for the bistable circuit is a
flip-flop. However, the name flip-flop is usnally reserved for a more complex circuit
than a simple cross-coupling of two inverters.

5.6.2 SRLatch

The simplest form of the bistable circuit is the set-rese¢ {SR) Iarch, This circuit
latches, or remembers, the incoming trigger pulse. Two implementations of this cit-
cuit are described below. It is a useful circuit that forms the basis of the memory cir-
cuits, described in Chapter 8.
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{2}

B
]}

{b)

{c}

Figure 5.17
SR fatch composed of cross-coupled NOR gates.

SR Latch with NOR Gates. In Figure 5.172, the SR latch is implemented with two
NOR2 gates. One of the inputs of each NOR gate is used to cross-couple to the out-
put of the other NOR gate, while the second input provides 2 means of triggering
the latch from one stable state to the other. This circuit is considered to be a latch
since the output is a continuous function of the input values (i.e., it is transparent).
The logic symbol for the latch is shown in Figure 3.17b. The two outputs Qand
are complementary and, by definition, the latch is in the set staze with a logic 1 at
the Q output and logic 0 at the Q output. Conversely, with a logic 0 at the Q out-
put and logic 1 at the Q output, the latch is in the reset state.

From Figure 5.17a, it can be seen that a logic 1 at the set {S) input will cause a
logic 0 at the Q output and, with the reset (R) input at logic 0, it will result in a logic
1 at the Qoutput. That is, the latch is now set, and the S input can safely be returned
to the 0 state, The trigger pulse at the S input of sufficient duration causes the latch
to be set. Alternatively, a logic 1 at the R input will cause a logic 0 at the Q output
and, with the $input now at a logic 0, the result is a logic 1 at the @ output. Since
the latch respends to high voltage levels at the inputs, S and R are referred to as
active high inputs. When the inputs are both returned to the 0 state, the flip-flop
behaves as a cross-coupled pair of inverters, as shown in Figure 5.16a, that hold the
value until further changes are experienced at the inputs.
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The input/output results are provided in the #ruth table for the SR latch in Fig-
ure 5,17c. The truth table Hsts the output states for all the possibie combinations of
the input states. The first entry in the table is the hold state since, with low voltage
levels at both § and R inputs, there is no change in the Q and Q outputs. The sec-
ond and third entries are the reset and set states, respectively. In the fourth entry
with high levels at both Sand Rinputs, the result is that both Qand O are low, Since
the outputs are not complementary, a logic value of 1 at both Sand R inputs is con-
sidered to be a forbidden, or not-allowed, condition. It is only considered forbidden
in the sense that the outputs are not complements of each other. Actually what hap-
pens is that when the input trigger pulses are returned to their quiescent levels, the
final state of the latch is due to whichever input is last to go low.

The delay from S to Q can be estimated as two NOR gate delays, while the delay
from S to (@ is only one NOR delay. Similatly, R to Q is one gate delay while Rto Q
is two gate delays.

000

Example 5.4

SR Latch Design Using NOR Gates
Problem:

Design an SR latch in 0,13 zm CMOS using NOR gates to deliver a delay of 400 ps
from S to Q and from R to . Assume that the total load to be driven by Qand Qs
100 fF and L = 100 nm.

Solution:

The following cress-coupled NOR configuration is used to implement the SR fatch.

Voo

W, [o_ W, |o_

|

s— 1w JH —[w, =

To obtain the desired propagation delays, we use the relationship tpy = toy =
0.7RC;. There are two propagation delays from 5 to Q and A to Q, so we divide the
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two delays equally between the two NOR gates. For the NMOS devices, we know
that R, = 12.5 k(/T1. Therefore,

tay = 0.7(12.5 kﬂ)%{it}o fF) = 200 ps

Set W, = 440 nm for both NMOS devices,
For PMOS devices, we use our rule-of-thumb and simply quadruple the size of
the NMOS devices to obtain W, = 1.76 um.

SR Latch with NAND Gates. The SR latch can also be designed with NAND gates,
as in Figure 5.18a. Similar to the NOR circuit, the reset condition of the latch is with
Q=0and Q = 1. However, with the NAND circuit, the Sand R inputs are normally
at logic 1. The latch is set with S = 0, and reset with R = 0. Hence this latch responds
to active low inputs, as is indicated by the small circles at the S and R inputs of the

s .
e

e
{a}

—g 8 o

—dr of—

Figure 5.18
SR latch with NAND gates.
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1 Exercise 5.4

logic symbol shown in Figure 5.18b. It is also reflected in the characteristic table of
Figure 5.18¢. For the NAND configuration of the SR latch, the forbidden condition
requires $= R =0 since thisleads to Q = Q = L.

The delay from Sto  can be estimated as one NAND gate delay, while the delay
from Sto Q is two NAND delays. Similarly, R to Q is two gate delays while R to Q
is only one gate delay. The design of this circuit follows the design of the NAND
gates described earlier. However, the problem of the forbidden state prevents this
type of memory element from frequent use, as in the case of the NOR latch.

Draw the transistor schematics for NAND-based SR latches using CMOS gates and
pseudo-NMOS gates, Size the devices to deliver 400 ps propagation delays.when -
driving 100 fF loads in 0.13 um technology. Use the same solution process as
shown for the NOR gates in Example 5.4. _ B .

U R

5.6.3 JKFlip-Flop

By the addition of two feedback lines the ambiguity at the output of the SR latch,
when both § and R inputs are activated at the same time, can be overcome. The
device is known as a JK flip-flop. The S and R inputs are renamed ] and X, respec-
tively, An all- NAND version of this circuit is shown in Figure 5.19a. An important
addition is a clock {CK) input, provided so that the change in the output logic states
of the flip-flop can be synchronized with a system clock. Hence, the J and Kinputs
are termed the synchronous inputs; J is the clocked-set input and K the clocked-reset
input. Note from the logic symbol for this circuit given in Figure 5.19b that all three
inputs are activated by high voltage levels.

The JK flip-flop is set and reset in a similar manner to the SR latch, except for
the synchronizing with CK, by way of the two NAND gates at the input of the flip-
flop. With the flip-flop reset, Q=0 and Q = 1, and entry is only by way of the
Jinput. A value of J = 1 would cause the flip-flop to set, making the Q output high
and Q low. This now enables the K input; if K= 1 and if CK Is still high, the flip-
flop will again change state. This is the flip-flop action from which it derives its
name.!® Note that if the clock continues to stay high with j = K= 1, the flip-flop
will oscillate. Hence for this version of the JK flip-flop there is a very definite restric-
tion on the pulse width of CK. It must be less than the propagation delay time
through the flip-flop.

The characteristic table of the JK flip-flop is given in Figure 5.19¢. Since the two
outputs are always complementary, only the state of the output following the
# + 1st clock is given, indicated as Q,,;. With J= K= 0, there is no change in the
state of the flip-flop after clocking, indicated as Q,, But with = K= 1, the flip-flop
changes state when clocked, indicated by G,. A characteristic of all JK fip-flops is
that with both J and K at a high level the unit will toggle when clocked; that is, it will

@ Technically, the ountputs are directly contrelled by the inputs while the clock is high and therefore it should
be referred to as a latch.
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D
! NAND
K 1 latch — -—
I 4 Do—o ¥ 4 Q o
@)
—CK

®)

Figure 5.19
JX flip-flop.

change state irrespective of its original state. Again, if the clock is high for a long
enough period, the flip-fiop output will oscillate in this type of configuration. This
undesirable limitation can be eliminated with the master-slave principle, describad
in the next section.

5.6.4 JK Master-Slave Flip-Flop : ,

As shown in the logic diagram of Figure 3.20, the JK master-slave fip-flop is simply
a cascade of two JK flip-flops, with the master driving the slave. An important point
to notice is that the master is activated by CK, but the slave is activated by an
inverted form of CK, namely, CK. The operation of the master-slave principle is as

Master Slave

fatch

= = T
CK__{: NAND . NAND
D = D "

Figure 5.20
Master-slave flio-flop using JK dip-flop.

Dell Ex. 1038
Page 190



222  ANALYSIS AND DESIGN OF DiGITAL INTEGRATED CIRCUITS

follows. As CK rises, CK goes down; at some point, CK has fallen sufficiently to dis-
able the input NAND gates of the slave, This isolates the slave from the master and
freezes the state of the slave latch, In the meantime, CK rises enough to enable the
input NAND gates of the master. Hence depending on the state of the Jand X feed-
back lines, the state of the J or Kinput can be entered into the master. Now on the
falling edge of the clock pulse, CK goes down; the input NAND gates to the master
are disabled, freezing the state of the master latch. Then, the NAND gates to the
slave are enabled and the state of the master is transferred to the slave. The outputs
Q and Q are obtained from the slave latch. Due to this master-slave principle, there
is no limit to how wide CK can be since, when the output changes state, entry into
the master has been disabled. Only on the next clock pulse will the master input
gates be enabled, and then not until a time corresponding to the slave being dis-
abled. Note that there is a minimum limit to the width of CK. It must be wider than
the propagation delay time through the master flip-flop for proper functionality.

A problem with the master-slave flip-flop is that it is subject to what is known
as ones catching That is, with CK high, suppose the slave is in the reset state, and the
Jinput gate is enabled for a short while and then returns to 0. This will inadvertently
set the first latch. Since this is a level sensitive circuit, the high value on J will prop-
agate into the master latch and lock in place. Thus, any “spike” or “glitch” on the J
input line will cause the master latch to be set. It is impossible to reset this latch,
since entry into the K input gates is disabled by the K feedback line. Thus, we say the
Jinput has caught a 1 that will subsequently be transferred to the slave when CK
goes down. One way to prevent ones catching is to keep the duration of the | state
for CK as short as possible. Another way is to make use of JK edge-triggered flip-
flops, which is the preferred approach,

L . . {
" . Draw a timing: diagram that illustrates the 1’5 catching drawback of the JK master- [
. slave flop. of Figure 5.20. Start by placing the JK in the reset state and apply a ;
- pEFEOdlC clack signal.When the clock is high, introduce a short pulse on the J input.
Draw: the corresponding logic waveforms on the gutputs of the NAND !atches i
s 'When does the unidesired 1 appea; atthe @ outpu'c? : . %

e Az :

5.6.5 JKEdge-Triggered Flip-Flop

Thelogic diagram of a JK edge-triggered flip-flop is shown in Figure 5.21a. With CK
at a high level, entry into the input NAND gates is controlled by the JK feedback
lines in a similar manner as for the master-siave flip-flop. But entry into the NAND
latch is prevented until CK goes low.

When CK does go low, the input NAND gates are disabled; the output of the
flip-flop changes due to the state of the Jand/or K inputs just prior to CK going low.
For proper functionality, the values on the fand K inputs must be held stable for a
finite length of time before the clock edge. This is the set-up time of the flip-flop.
The circuit is forgiving of any spikes or glitches on the J or Klines prior to this time
as long as the set-up time is satisfied. Some flip-flop designs require the state of the
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Figure 5.21

JK nagative edge-triggered flipflop.

Jand Kinput lines to remain stable for a time even after the clock edge arrives, This
is known as the hold time. Usually the minimum hold time is 0 ns.

As shown in Figure 5.21b, the logic symbol for an edge-triggered flip-flop is dif-
ferentiated from the master-slave by a small > sign at the CK input. The presence
or absence of the inverting symbol is used to indicate whether the outputs Qand
change on the failing or rising edge of the clock pulse. The logic symbol indicates
a negative edge-triggered flip-flop. The corresponding truth table is shown in Fig-
ure 5.21c.

In summary of the JK flip-flops, we have noted that the device may be of the
master-slave or edge-triggered type. The outputs may change following or on the
rising or falling edge of the clock pulse. The device usually has additional inputs for
direct set and reset so that the outputs can be initialized to the desired settings.

5.7 DFlip-Flops and Latches

Another very useful flip-flop, most widely used in CMOS digital circuits and sys-
tems for the storage of data, is the D) flip-flop. The truth table of a D-type flip-flop
is shown in Figure 5.22a. With clocking, the Q output simply foliows the D input.
The Q output is always complementary to the Q output.

The D-flop may be of two types. It may be transparent, as shown in the logic
diagram (Figure 5.22b}. The CK input is really an enable input that, when high,
allows the Q output to follow the D input. The state of the element is frozen only
when CK goes low. Or, it may be edge-triggered, as in Figure 5.22¢, Similar to other
edge-triggered flops, with CK either high or low the D input has ne effect on the

223
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(=)

D g o e

CK CK (7)) —

)

b} fc}

Figure 5.22
{a) Truth table, (b} transparent D-fatch, and () edge-triggered D-flop.

output. Data are transferred from the D input to the output only on the rising edge
of the clock pulse.!! At this point, it should be emphasized that the working defini-
tion of a latch is an element that is level-sensitive and transparent, whereas a flip-
flop is edge-triggered and otherwise opaque.'?

To further describe the difference between the two types of sequential elements,
it is useful to examine the outputs, given the same input and clock signal. Consider
Figure 5.23 where the D-latch is driven by IN and CLK. The output is a continuous
function of the input while the clock is high. That is, the D-latch allows the input to
propagate through the latch to the output when CLK is high and prevents its prop-
agation when low. Initially, the output is unknown. When the clock goes high, the
low input propagates to the output. When the input data goes high, it appears at the
output after a short delay. When the clock goes low, the last value of the input is
held. Note that the falling edge of CLK is the important one since this is when the
data is latched at the output. Further changes in the input are not propagated to the
output. Therefore, the small negative pulse in the input of Figure 5.23 is not seen at
the cutput.

Now consider the D-flop in Figure 5.24. In this case, it is constructed using two
D-latches in a master-slave configuration driven by CLK. For the positive edge-
triggered D-flop, the important edge is the leading edge of the clock waveform. The
leading edge captures and propagates the last value at the input just prior to the
clock transition; the final state of the flip-flop is due to the state of the D input just
before clocking occurs. In the waveform shown, there are two points sampled: in
one case, the input is low and in the other case the input is high, As a result, we see
a transition at the output corresponding to the second rising clock edge. The actions

! Since there is no bubble on the CK input, this is 2 pesitive edge-triggered flip-fiop; a bubble would indicate
a negative edge-triggered {lop,

¥ Designers tend to use the terms flip-flop and latch interchangeably which fs some cause for confusion. We
will strictly use latch and flip-flop definitions from this point onward in this text %o avoid such confusion,
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Figure 5.23
D-atch operation.
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Figure 5.24
D-flop operation.

are equivalent to a sample-and-hold circuit, where the sampling is done when the
clock edge hits the flop.

There are a number of important timing characteristics associated with flops
and latches. The timing parameters for the flip-flop are illustrated in Figure 5.25.
The clock edge is the reference point for these timing parameters. The setup time,
Trcraps 15 the time that the incoming data must be stable before the clock arrives. The
hold time, Tj,4: is the length of time that the data remains stable after the clock
arrives for proper operation. As shown in the figure, if the data is stable before the
setup time and continues to be stable after the hold time, the flop will properly cap-
ture the data. However, if it settles after the hold time it is gnaranteed to fail. A fail-
ure implies storage of the wrong data.

1f the data arrives within the period designated by the setup and hold times, the
flop may or may not capture the correct value. This is the uncertainty interval
However, the user of such a flop should not permit signals to stabilize in this range
since proper performance is not guaranteed. Another parameter of importance is
the clock-to-Q delay, Ty, .. This is the delay from the time that the clock arrives to
the point at which the (§ output stabilizes. In reality, the incoming data must arrive
at T, before the clock hits, and the output is valid at Ty, after the clock edge.
Viewed in this way, the “overhead” of the flop is T, + Ty, When designing
flops, we should try to minimize ¥y, Thpe 204 Ty e
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Flin-flop timing parameters.
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Figure 5.26
Latch timing parameters,

A similar set of parameters applies to the D-latch as shown in Figure 5.26, The
interesting edge of the clock is the falling edge, so the corresponding setup and hold
times are associated with this edge. However, data begins to flow after the positive
going edge of the clock so the setup and hold times are not as critical, and are typ-
ically much smaller for the D-latch. The more important parameter is the “over-
head” associated with the latch, which is referred to as the D-to-Q delay, T, . This
is the amount by which the data is delayed by the presence of the latch. Since the
latch is transparent when the clock is high, we are more interested in reducing the
delay between input and cutput as opposed to the setup and hold times. However,
if there is 2 late arriving signal near the falling edge, it must satisfy the setup and
hold constraints or the circuit will fail.

‘We now illustrate how a D-latch can be constructed using conventional CMOS
logic. A togic diagram for the D-latch is given in Figure 5.27. This is suitable for
implementation using AOI gates as shown in Figure 5.28. An edge-triggered D-type
fiip-flop may be constructed from two such transparent latches in cascade driven by
complementary clocks. The number of transistors needed to realize a D-flop in this

Dell Ex. 1038
Page 195



STATIC MOS GATE CIRCUITS
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Figure 5.27
Gate level realization of D-latch,
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Figure 5.28
AQl irnplementation of D-latch,

manner is large. More efficient circuits for D-latches and D-flip-flops will be pre-
sented in Chapter 7.

5.8 Power Dissipation in CMOS Gates

Power consumption in CMOS digital designs has been increasing at an alarming
rate over the past few technology generations. It has become perhaps the most
important design specification in recent years since it affects power grid design, chip
temperature, packaging decisions, and long-term reliability. If the trend for chip
power continues, it will begin to dictate the logic/memory composition of future
designs and force most of the chip to be dominated by memory, which consumes
less power than logic circuits. In this section, we examine the sources of power dis-
sipation in CMOS gates and describe circuit techniques to minimize power in
CMOS designs. As we describe these techniques, take note of the role of timing in
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controlling power. To minimize power, we often adjust the timing characteristics of
a design. In effect, the tradeoff between power and timing is a key issue in CMOS
digital design.

Power is due to current flowing from the supply to ground. When computing
power, we must add up all the sources of current flow from ¥, to Gnd and multi-
ply it by the potential difference between the two supply rails. The general power
equation is given by

F= IQVDD (5.:”}

where I, is the current flowing from Vpp to Gnd,
In CMOS, the sources of power can be broadly categorized into two groups:

1. Dynamic Power
2. Static Power

Dynamic power arises from three sources: power due to capacitance switching,
short-circuit power due to “crowbar” current flowing from Vj, to Gnd during
switching, and power due to glitches in the output waveforms. Static power is due
to leakage currents (subthreshold current and source/drain junction reverse-bias
current) and de standby current (e.g., pseudo-NMOS circuits with low output), The
two most important sources of power dissipation today are capacitance switching
and subthreshold leakage. Static dc power dissipation is of primary concern only
when using pseudo-NMOS gates. We now describe these components in detail.

5.8.1 Dynamic {Switching) Power

Most of the chip power today is due to the charging and discharging of capacitances
in the circuit as a result of logic switching events. When switching events occur, the
supply current acts to charge the output load capacitance on one part of the cycle,
and discharge the capacitance on the other half of the cycle. Effectively, we have cur-
rent flowing from Vp, to Gnd (albeit on different parts of the cycle) and this leads
to power dissipation. The frequency of switching, £ determines the actual power
that is consumed.

To compute the average power dissipation due to switching, we need to deter-
mine I, and multiply it with V,,;. The considerations are detailed for the CMOS
inverter of Pigure 5.2%. When the input switches from high to low, the PMOS
device turns on, as shown in Figure 5.29b, It charges up the output to Vpp, thereby
storing energy on the capacitor. When the input switches from low to high, the
NMOS device turns on and discharges the capacitor as Hlustrated in Figure 5.29c.
The average charging current is

av _ CLA‘szing

fD,avg = CE = At = CLVBD.ﬁvg (5.8)
Note that in the above equation, we assume that the average switching frequency of
the inverter is £, and the voltage swing is Vpp.

avg
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Bynamic power dissipation congiderations.

The combination of these two processes results in power dissipation. Since the
current is associated with a capacitor, we can write

P, switching = ID,zwgVDD = CLﬁ szing,évg VDD = CL“’%DJ;@ (:5-9)

This equation tells us exactly what our options are to reduce power: keep G small,
reduce the swing, reduce Vpp, or reduce the switching frequency, £,,.. The approach
used to reduce power will be dependent on the design style used, timing constraints,
area constraints, and other tradeoffs. Usually power reduction requires a combina-
tion of many methods.

One factor that we should examine more closely is the average switching fre-
quency of the inverter, .. The clock frequency is normally taken to be f, and
clearly the clock switches on every cycle.!® If we refer to a transition from high to
low or low to high as a teggle, then it follows that we need two toggles to have power
dissipation. On the other hand, most logic gates do not switch on every cycle as
shown in Figure 5.29d. The average frequency of operation can be specified using
an activity factor, a,_,;, that is multiplied by the clock frequency, f. The power
equation can be modified to inchude this activity factor as follows:

Pswiwhing = Gg CLV??Dfdk (5-18}

B0 fact, the clock circuit may consume up to 40% of the chip power due to its large capacitance and high
frequency.
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With this power equation and knowledge of the activity factor for each gate, we can
accurately estimate the chip power. While o, should be computed for each gate
separately, we can also compute an average activity factor and capacitance for the
whole chip and use these values to estimate the average chip power due to switching.

Example 5.5 Activity Factor Calculation

Problem:

I Figure 5.28d, we have a total of four toggles of the output over the duration of
eight clock cycles. What is the activity factor for this node?

Solution:

Number of clock cycles = 8
Number of toggles at output = 4. Two toggles are required for power dissipation,

#toggles/2 4/2
# clock cycles

Wy = = activity factor (switching factor) = 5 25%

Example 5.6 Comparisen of Hand Calculation of Power with SPICE
Compute the power due to switching for an inverter with W, =800 nmand W, =
400 nm driving 3 total load of 56 fF with an average switching frequency of
250 MHz. Compare the results with a transient simutfation in SPICE. Which value is
larger, the one obtained by hand calculation or by SPICE? Use 0.18 um technology
parameters for the analysis with Vi, = 1.8 V. Ignore parasitic capacitances and set
input rise/ffall times to 300 ps in SPICE.

Solution:
The dynamic power can be computed by hand as
P = CV* = {50 fF){1.8)*(250 MHz) = 40.5 pW

A SPICE simulation can be performed to confirm this result, A transient analysis is
reguired, followed by an average power measurement over a 4 ns period. Note that
the inverter must toggle high and low in order to create a “power event."The input
file for SPICE is as follows:

*Power dissipated by inverter
*Set supply and library

.param Supply=1.8 *for 0.18 technoclogy
.1ib ‘beim3v3.cmospl8. ik’
.opt scale=0.1lu *Set lambda
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* Power sSupply

.global vdd Gnd

vdad vad Gnd ‘Supply’ *Supply is set by .1lib call
*Supcirculit

.subckt inv in out

biie] ouk in vdd Vdd PMOSL 1=2 w=8 ad=0 pd=0 as=0 ps=0
mn ocut in Gnd Gnd NMOS1 1=2 w=4 ad=0 pd=0 as=0 ps=D
Cload ocut Gnd B0fF

.ends

*# Top level simulation netlist

Xinv in 1 inv

Vin in Gnd pulse 0 ‘Supply’ lns 200ps 200ps 1.7ns 4ns
* Simulation

.kran 50ps Sns

.measure tran avgpwr avg P{Xinv) from=1ln to=5n

.end

From this simulation, the average power dissipated by the inverter during the
interval is found to be 46.3 uW. This is approximately 14% higher than the hand
calculation.

[ERmS R R S

As seen in the above example, if we run SPICE on a single inverter and measure
power, we will find that the measured value exceeds the hand-calculated value. That
is, Psprce = CVopf. Why would this be the case? The primary reason is due to short-
circuit current or crowbar current {although a very small percentage of it is due to
leakage current). The origin of the crowbar current, I, is llustrated in Figure 5.30.

Yoo

(a}

Figure 5.30
Short-circuit current flow during switching process,
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Crowbar current is the current that flows directly from Vpp to Gnd during
switching events. The reason why short-circuit flows is that for a certain period of
timze both transistors are on simultaneously; that is, [V > |V} for both devices. If
we apply a step input, only one device would be o# at any given point in time, and
we would not observe any short-circuit current. However, since all inputs have a
finite slope, both devices are on when Vi, < V,, < V, — |Vl Crowbar current
flows in both charging and discharging conditions. The time period that short-
circuit current flows depends on the rise/fall time of the input:

Ar, = At + Aty

where At and At .are illustrated in Figure 5:30. When discharging, the sum of the
supply current ang the discharging current flows through the pull-down device,
This 15 iltustrated in Figure 5.30a. During the charging process, part of the supply
current flows to the capacitor while the remainder flows to Gnd as shown in Figure
5.30b. The average power associated with this current is

Py = LieVpp

Since crowbar current flows during all switching events, it is possible to rewrite the
equation as follows. Taking Iy, as the average crowbar current during the two
switching intervals, then

_ At
Le= ?IS‘C,avg

This can be substituted into the previous equation to obtain

PSC = 5 VDD = AtsrfSQQVgVDﬂf:ﬂ; (513)

It is desirable to replace the first two terms by a term that is similar to the dynamic
power expression, as follows:

I= Cd—V=>I&t = CAV
dt

SAf o = CoVop
Substituting into Equation (5.11), we obtain
Py = C Vipfu

Finally, we introduce another switching activity factor and set C, = & C,. With this
adjustment, we have

Pse = a, C Vipfu (5.12)
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In effect, we are incorporating all the effects of the short-circuit current into a fac-
tor a,, that depends on the device threshold voltages and input rise and fall times.
The total dynamic power can be written as

denamic = a%lcivéﬁﬁlk + aschV;g)Dﬁ:Ik = QCLVEZDDI;H: (5‘13)

The first term accounts for the power due to capacitance switching while the second
term accounts for the short-circuit power. The new « incorporates both the activity
factor and short-circuit current effects,

To reduce shert-circuit power, we should set the rise and fall times, or edge rates,
to be as short as possible, This will minimize At,,, the time that both devices are on.
However, this is a local optimization that may not be globally optimal. If we use large
drivers at the input to reduce the rise/fall times, this increases the capacitance,
thereby increasing the overall dynamic power. In effect, there is a tradeoff between
dynamic power of the previous gate and short-circuit power of the next gate. We
usually seek to minimize the total power due to the sum of these two components.
One solution that has been found to be effective is to make the input and output edge
rates sharp and about equal. This tends to minimize the overall power due to the two
components of dynamic power. This is one example where, in order to minimize
power, we must consider the timing characteristics of the signals. We will find many
instances where the timing is an important factor in reducing the overall chip power.

There is one other source of dynamic power due to differences in the arrival
times of signals at gate inputs. If a given input signal arrives first and forces the out-
put to switch, and later another input signal arrives and causes the output to switch
back to the original value, we have a glitch in the ontput. This type of undesired out-
put pulse causes unnecessary power dissipation, which can be modeled in terms of
switching power. If can be & major corponent of the total power if the designer is
not careful. Glitches tend to propagate through the fanout gates and cause unin-
tended transitions in subsequent stages, increasing the power dissipation even fur-
ther. Depending on the number of glitches in the chip, it can quickly add up to a
nonnegligible amount of power.

To reduce glitches, signals should be made to arrive at roughly the same time at
all gate Inputs. This requires a balancing of the path delays and gate delays in a com-
binational logic block. Whenever possible, the designer should select logic cirenits
that minimize the potential for glitches. This may also involve retiming a given cir-
cuit or selecting architectures that are glitch free, or exhibit fewer glitches than oth-
ers. The key, as will be clear in many design guidelines throughout this book, is to
keep things as balanced as possible.

Glitch Example Using NOR Gate
Problem:

Using SPICE and a 0.18 zam technology, adjust the inputs of a 2-input NOR gate
until a glitch appears at the output during a transient analysis. Under what condi-
tions does a glitch occur? How should such a glitch be prevented?

Example 5.7
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Solution:

Create a SPICE file with a 2-input NOR gate. During the analysis, one input should
be switching from lew to high while the other Is switching from high to low in the
same interval to create a glitch. To prevent such a glitch, all the Inputs should arrive
at the same time.

*NOR Gate Glitching Example
*Set supply and library

.param Supply=1.8 *for 0.18 technoclogy

. temp 25 *Qverride temperature by setting it before
.1ib

.1ib ‘beim3v3.cmespl8.lib’

.opt scale=0.iu *Set lambda

*Power supply
.global ¥dd Gad

vdd vad Gnd ‘Supply’ * Supply is set by .lik call

*Top level simulation netlist

mpa cut ina X vad PMOS 1=2 w=1§& ad=80 pd=16 as=80 ps=16
mpk x inb vdd vdd PMOS 1=2 w=16 ad=80 pd=16 as=80 ps=1§6
mna out ina Gnd Gnd NMOS 1=2 w=4 ad=20 pd=4 2s=20 ps=4
mnb out inb and Gnd NMOS 1=2 w=4 ad=20 pd=4 as=20 ps=4
Va ina &nd pulse ‘Supply’ 0 1ns 100ps i00p=s 4.1ins 8ns

Vb inbk Gnd pulse ‘*Supply’ 0 Ins 100ps 100ps 2ns ins
*Simulation

.tran 100ps 9ns
.plot tran V{out]
.end

Tnput A

1.8
16 |-
i4
1.2

0.8
0.6
04
0.2

ina v}

T T T T

02 L ] : 1 i { ] 1
4 3 & 7 8 g 10

Time (ns)
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[
[
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5.8,2 Static (Standby) Power

Standby power is an important design consideration for low-power battery-operated,
or portable, devices. There are three basic sources of static power: subthreshold
leakage, p# junction leakage, and dc current in the output low state. Today, leakage
currents ave beginning to control design decisions even for high-performance non-
portable applications. As a result, this component of power is gaining more atten-
tion in the IC design industry from process engineers, circuit designers, and CAD
engineers.

The most important issue is the subthreshold leakage. In recent years, it has
grown significantly due to the close proximity of the source and drain. This results
in a bipolar transistor action, where the substrate is the base of the bipolar transis-
tor, and the source and drain act as the emitter and collector, respectively. Sub-
threshold current is due to diffusion current of minority carriers across the channel
region, PFrom earlier discussions in Chapter 2, we found that the subthreshold cur-
rent equation has the form

Ly = LellVesVrVosd/Tl (1 — ARG
When we examine this expression from a power perspective, we try to identify
the controlling parameters to keep L, as low as possible. Specifically, if Vig; = 0,
then V.. controls the magnitude of the subthreshold current. As V. is reduced, the
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value of [, increases (see Figure 2.16). Since Vi-has been kept relatively constant
over the years, the subthreshold current has been kept in check. However, V5, — Vi
controls the forward-active drive capability of the transistor; in effect, we lmit the
performance of the devices by keeping V.- constant while scaling Vpp, in each tech-
nology generation. Clearly, 2 tradeoff exists between I, and Lg when selecting Vr.

An alternative is to dynamically modify the threshold voltage during operation.
We can accomplish this by adjusting the substrate bias of the transistors in the sig-
nal path. However, when doing so, we must ensure that the Vris reset to 2 higher
value when these devices are inactive. This is not a straightforward procedure for
complex, high-speed designs.

Another controlling parameter is V. If we can reduce this value, when the
device is off, it will act to reduce the current. Recall that drain-induced barrier low-
ering causes increased drain current due to a reduction of V. Any approach that
can limit Vg will limit the subthreshold conduction. One method is to add series
transistors to the puli-up and pull-down paths so that there is a smaller Vp across
each transistor. This is sometimes referred to as scurce degeneration.

A third parameter that can be controlled is temperature. If we can cool the tran-
sistors down to a very low operating temperature we obtain two benefits. First, since
the subthreshold current is due to minority carriers, reducing the temperature will
reduce the number of carriers and this will act to reduce the current. When the tran-
sistor is o, a reduction in temperature will actually increase the drive current since
the mobility of the majority carriers will be increased. Of course, the cooling of
chips requires a much more expensive package, which will increase the cost of the
design.

Another source of leakage is due to the reverse-bias of source and drain junc-
tions. The percentage of the overall power dissipation is rather small but we should
still understand its origin. The basic diode equation is given by

.=l (e9¥T¥s — 1} where[,=A-J;

In reverse-bias moede, the current is o = —A J, where A s the area of the ;’i}m:tioa
and J, is the current density. The areas of interest are the bottom of the junction and
the channel-facing sidewall. Therefore, we need to keep these areas as small as pos-
sible by minimizing the source and drain areas. The currents are typically in the pA
to nA range and are negligible in most digital designs. The combination of sub-

threshold current and the px junction current is referred to as leakage current:
f}zak = Isnb + Ipn {5-14}

Since the NMOS and PMOS have different leakage currents, I can be based on
the average leakage of the pull-up and puli-down paths. The total static power dis-
sipation due to these two components is

Puase = Ta + L} Voo (5.15)

One final form of static power is found in the pseudo-NMOS gates when the out-
put is low. In this case, the current, I, through the gate is computed by setting the
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output to ¥, and determining the current flow through any device in the current
path. This current is multiplied by V7, to obtain the power

Pre = IncVon (5.16)

This power can be relatively large. If we design a circuit with exclusively pseude-
NMOS gates, the power budget would be exceeded very guickly, much like the
NMOS technology on which it is based. Recall that NMGS technology gave way to
CMOS technology due to the dc standby power when the cutput of a gate was low.
Imagine that you have 2 million logic gates and half of them are dissipating power.
You quickly realize that you will exceed vour power budget no matter what you do
since the mere existence of the gates implies power dissipation. Therefore, pseudo-
NMOS shouid be used sparingly.

5.8.3 Complete Power Equation
For a standard CMOS gate, the power equation is given by
P=aC Vépfdk + I[eai:VDD (5‘}?)

where the short-circnit current effects are included in the & term.
For a pseudo-NMOS gate, the complete power equation is given by

IncVpo

2 (5.183

P=oaCVipfu + hetVop +

where the last term considers the fact that the dc current is flowing ornly half the time.

DC Power Dissipation for Pseudo-NMOS Inverter in 0.13 pm Technology
Problem:

Compute the dc power dissipated by the pseudo-NMOS inverter when the cutput
is low, given that ¥, = 0.1 V, W, /L, = 9. Use 0,13 gm technology parameters.

Solution:

The current flowing through the inverter can be computed using the current
through the pull-down transistor that is in the linear region of operation:

Wy wCor (Vou)?
e =— [{Vm — Vi) (Vo) —
e te) 2
Eenlu
Using the parameter values for 0.13 um CMOS:
430 pA/V? [ {(6.1)?]
fpe=9 X -——————| (1.2 — 04}{0.1) — =
oc 0+ 0.1/08) L o) == J 230 ah

P = pcVpp = 250 pA X 1.2V = 300 uW

Examplie 5.8
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5.9 Power and Delay Tradeoffs

In most designs today, the primary tradeoff is between power and delay. We have
already seen that equalizing the input arrival times will reduce glitches and equaliz-
ing the edge rates will minimize short-circuit current. Clearly, it is not sufficient to
optimize one without considering the other. If we improve a design relative to
power but it slows down the circuit, the results may not be acceptable. Similarly, an
improvement in speed may only be achieved at the expense of power. Therefore, a
metric is needed that allows us to balance the two design objectives in a meaning-
ful way.

One such metric that has been popular for many years is the power-delay prod-
uct {PDP}. The rationale is that, if we are interested in reducing power and reduc-
ing delay, then why not take the product of the two and try to minimize them
together? At an intuitive level, this makes sense. If we follow this thought process to
establish a metric for gates, then:

PDP = Pt (5.19)

where P,,, is the average power and #; is the average propagation delay of a gate.
Considering only the dominant source of power for a gate, we have

and the propagation delay is
oL
P 2 }a_-
assuming that the switching period is twice the propagation delay. Combining these
results, we obtain
1 CVip
PDP = CVipf = —— 5.20

This is an energy quantity and, as such, the PDP represents the energy required to
perform a specific operation. The reason why we view this as an energy quantity i
that energy is the time integral of power. If we compute the energy stored in the
capacitor after a charging operation, we obtain

= dy,

@ . Voo 1
o= | Tt~ [ CH 9@ = | Cran s = 3 VB
& [ dr ) 2z

In this case, the operation is to switch from low to high. In a similar fashion, Equa-
tion {5.20) defines the PDP as the energy per toggle operation for a gate.

The PDP can be minimized by reducing the capacitance G, the voltage swing
AV, g OF the power supply voltage, Vpp, However, the metric has some limitations.
If the PDP of two designs performing the same operations are compared, it would
still be difficult to tell which one is better. For example, if one used a lower supply
voltage to reduce PDP, the metric would not capture the fact that the delay is also
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reduced, Also, using smaller transistors would reduce C, but may also slow down the
circuit, Because of the cancellation of the delay term when deriving the PDP, we

have lost valuable timing information.
A solution to this problem is to define another metric that multiplies the PDP

by the delay. This is termed the energy-delay product (EDP). It is given as follows:
EDP = PDP X 1, (5.21)

We already have the equation for PDP, but we need a new formulation for #;:

av
I=C—
A
Ar= C—IV (5.22)
_CAV CVap

Lty = ~
S K (Vpp — Vi)

where K, is a constant that depends on device sizes, Combining Equations (5.20)
and (5.22}, we obtain:

CWig

T T——— (5.23)
2K,{Vpp — Vy)

EDP =

Now, whenever power supply values or device sizes are altered, they are captured in
the EDP. This is a better metric for low-power design.

If the goal of the overall design is to reduce the EDP, then it is instructive to
examine how a number of designs would compare using this metric, For this pur-
pose, we plot the EDP of several designs {#, b, ¢ and d} on a qualitative graph of
energy vs. 1/delay in Figure 5.31. The lines shown in the graph have equal EDP and
are therefore equivalent in terms of this metric. Designs that lie closer to the x-axis

Lower
EDP

Energy

i/delay

Figure 5.31
Energy versus 1/delay for four designs:a, b, ¢, d.
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Energy
]
=
2 Energy X delay
E
=
£
A
Ealay
Voo

Figure 5.32
Energy-delay product versus supply voliage.

are better since their energy-delay product is lower. Surprisingly, for the four cases
shown, design b is the best and design d is the worst in terms of EDP.

Another way to view this metric is to examine the energy, delay, and EDP on the
same normalized graph as a function of the supply voltage, V. This is shown in
Figure 5.32, As the power supply voltage decreases, delay increases, but the energy
per operation decreases. Therefore, an optimum EDP must exist and it <can be
obtained by differentiating Equation (5.23) with respect to Vi, and setting the
result to zero: :

JEDP _
. 3
.‘,VD;_-, = EVT

This optimum value can be used to set the supply voltage for a given technology. It
is interesting to note that increasing the supply voltage bevond the optimum does
not affect EDP very much. Therefore, higher values of V;, are acceptable and may
be necessary for the target performance and noise margins of the design. A decrease
in Vi from the optimum rapidly increases the EDP. Therefore, it is important to
keep the supply value higher than the optimal value, and perhaps this is the best way
to interpret the above results.

Example 5.9 Comnparison of Two Designs
Problem:

Compare the chip power for two cases. In one case, a chip has 10M gates, an activ-
ity factor of 10%, V5, = 1.8 V, a clock frequency of 500 MHz and an average capac-
itance per nede of 20 fF.In the second case, 2 chip has 50M gates, an activity factor
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of 5%, Vg = 1.2 ¥, a clock frequency of 1 GHz and an average capacitance per node
of 10 fF.Which design is better and why?

Solution:
Case 1:10M gates, o = 0.1, C = 20 fF, Vpp = 1.8V, fyp = S00MHz — P =324 W
Case 2:50M gates,a = 005, C = 10fFR Vpp =12V, =1GHz—>FP =36 W

The two power levels are about the same, so it appears that the two designs are
about equivalent. Now compute the energy-delay product.

Case 1:EDP = Pt2 = 324 (2 ns)® = 136(107*)J=s
Case 2:EDP = Pt = 36 {1 ns)? = 36{107 %))

The secand design has a smaller energy-delay product and therefore is supetior.

5.10 Summary

For a series stack with three devices, the width of a single equivalent device is

b
14
E
F
|
'

W, = W, +W;2’3;:@+ W, (series stack)
For a parallel set of devices, the equivalent width with all devices turned on is

We=W, + W, + W, (parallel devices)
Average propagation delay

_ bttty
? 2
Dynamic and static power:
Pipramic = @01C Vipf + 0 ,C Vipf = aC Vipf

Posic = (Lup T ‘{pn) Voo

For 2 standard CMOS gate, the complete power equation is given by
P=0aCVhsfu + haVio .

For a pseudo~-NMOS gate, the complete power equation is given by

I DCVDD

P=oCVhpfu + heaVop + 2

Energy-delay product:

EDP=PDP X tp= P X t X #
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PROBLEMS

P5.1. Design static CMOS gates that have the following outputs. You may
assume the availability of true and complement forms of each signal for
the input. Note that you should be able to design each function as a sin-
gle gate. Device sizing is not required for this problem.

{a} Out = ABC + BD
{(b) Out = AB + AC + BC
(c)Out=A+ B+ CD+ A

P5.2. Implement the functions associated with a full adder in static CMOS
using the fact that these are majority functions. That is, if most of the
inputs are high, the output will be high, and if most of the inputs are
low, the output will be low. A useful property of majority functions is
that they are self-duals. The full adder has three inputs, A, B, and C,
and two outpats, Sum and C,,.. The expressions for the outputs are as
follows:

Coue = AB + Go(A + B)
Sum = Cou{A + B+ C,) + ABC,

P5.3. Design a static CMOS gate that performs the Boolean function F=
{A® B)C + BC. You can use inverters to generate any cornplementary
inputs needed. Sizing is not required here,
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P5.4. Find the logic function for the circuit in Figure P5.4. What is the worst

case Vo and Vj,? {Note: this is a contrived circuit that would not be
used in a real design.)

Figure P5.4 A

P5.5. The circuits of Figure P5.5 are pseudo-NMOS and pseudo-PMOS gates.
‘What function is performed by each gate? Size the transistors so that the
pseudo-NMOS gate has Vj,; = 0.1V}, and the pseudo-PMOS gate has
Veou=0.9Vyp. Can you suggest why pseudo-PMOS is not favorable
{compared to pseudo-NMOS}? All transistors have a length of 2A.

i

I
u|'—m—|

i
i

L wea

Figure P5.5 =

I
o f
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P5.6. The circuit of Figure P5.6 is a saturated-enhancement load NMOS NOR
gate. Calculate Vi, and Vi, and the dc current and power when the
output is low. Assume that all the transistors are 2A/2X devices. Assume
0,13 pum technology parameters. ‘

Vpp

A—II%LB—!

)

Figure P5.6

P5.7. Calculate V; of a 2-input NOR gate when one input is switching and
with both inputs tied together. The devices sizes are W, = 16A and W,
= 4A, Then use SPICE to find the VTC when switching only input A,
only input B, and then AB together. The results for the two inputs
switched separately vary slightly. Explain why. Use 0.18 um technology
parameters,

P5.8. What is the minimum value of Vi in the circuit of Figure P5.8 to
obtain Vo= V,,=18V? Assume 0.18 um technology parameters,
with L= 200 nm. '

Vg
— e

Figure P5.8

P5.9. In the Figure P5.9 circuit, size the transistors so that fpp < 50 ps; Vg
= 1.2 Vand V,,; = 0.1 V. {The length of all transistors is 2A.) Ignore par-
asitic capacitances of the devices, Use 0.13 um technology parameters.
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Voo

Ea
;46 o

L

Out

b

100 fF

\ LN =
e L - -
SR

W
|
I

Figure P5.9

P5.10. Design a CMOS gate whose output is Out = AB + ABC. If the mini-
mum length of the transistors is 0.1 pm and the gate is connected to 75 fF
Ioad, calculate the width of the transistors so that &y = ty, 5 < 50 ps.

P5.11. Calculate the dc static power and dynamic switching power in the cir-
cuit in Figure P5.11 if the average switching frequency is f,, = 100
MHz. What is the combined average power due to these two compo-
nents. Use the 0.13 um technology parameters with 2A =100 nm.

Ignore device parasitic capacitances.

Yoo

|

W=2A

A—]E W= 602
B—{[ W= 60h
c—{[ w=e0n

= SO fF

Figure P5.11
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Ps.12. Ccmpute the static and dynamic power consumption of the two invert-
ers in Figure P5.12. Use the 0.13 jum technology parameters with 24 =
160 nm.

Yoo

[ w=s

In 4
in—{[ w=200 [w=m Isﬁfg

Sketch the VTC of the inverters and show on the graph in which region
we have power due to dc current, subthreshold current, and short-
circuit current.

Figure P5.12

P5.13. In this question, the idea is to develop a simple equation for the fotal
switching power for 0.18 um technology that also incorporates the
short-circuit power. To do this, use HSPICE to comparg the amount of
power due to CV?fversus power due to short-circuit current, Iy Vpp in
a 4X inverter driving three different load capacitances: 20 fF, 40 fE and
80 fF. For the same three load capacitances determine the two compo-
nents of power when input slopes are 0.01 ns, 0.1 ns, and 0.2 ns. Build 2
table of ratios between CV?fand L.V, as a function of capacitive load
and input ramp. What factor e, would you multiply the CV*fpower by
to incorporate the short-cm:uii power ‘based on this table? {Assome that
F= 200 Mhz.)

P5.14. For the RC circuit of Figure P5.14, determine the total energy delivered
by the voltage source to the circuit when a step input from 0 to Vpp is
applied. Next compute the total energy that is stored by the capacitor.

AA
Y
&

Figure P5.14 :-l_-:
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What happened to the rest of the energy that was delivered by the volt-
age source?

P5.15. Do you expect the overall power consumption of a synchronous digital
systern 10 increase or decrease when temperature increases (assume the
clock frequency does not change}? Explain.

P5.16. Design an SR latch in 0.13 um CMOS using NAND gates to deliver a
delay of 400 ps from Sto Qand from Rto Q. Assume that the total load
to be driven by Qand Q is 100 R

P5.17. The voltage waveforms shown in Figure P5.17 are applied to the JK
master-slave flip-flop illustrated in Figure 5.20. With the flip-fop ini-
tially reset, show the resulting waveform at the Q output of the master

and slave latches.
T
: L
ax — LT 11
J 1 M1
X I | 1
Figura P5.17 .

P5.18. Repeat the above problem for the JK edge-triggered flip-flop shown in
Figure 5.21. Assume the flip-flop s initially set.

P5.19. Implement a positive-edge triggered D flip-flop with set and reset inputs
using only NAND3 gates (i.e., no inverters). The inputs should be §, B,
D, and CK, while the outputs are Q and Q. Number the NAND gates 1
through &, Then, answer the following questions:

(2) With CK=D=1low and S=R= high, determine the output state
of each gate (1 or 0). Assume the flip-flop is initially set.

{b} Repeat part (a) after CK = high.
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7.1 Introduction

In previous chapters, we examined the characteristics of static logic gates. Two vari-
eties of static gates were presented: conventional CMOS and pseudo-NMOS gates.
Standard CMOS gates dissipate far less power than their pseudo-NMOS counter-
parts but require more area due to the number of complementary PMOS transis-
tors needed, and their size requirements to achieve equal rise/fall delays. Usually the
PMOS device is twice the size of the NMOS device in a conventional CMOS
inverter, However, the pseudo-NMOS gates require ratioed devices to set the desired
value of V3 typically, the NMOS device is four times the size of the PMOS device
in a pseude-NMOS inverter. Unfortunately, this produces asvmmetric rise and fall
times. If we increase the size of the PMOS device to try to equalize the delays, the
value of V,; increases, I order to strike a balance between conventional CMOS and
pseudo-NMOS circuits in terms of area, timing, and power, we turn our attention
to dynamic logic techniques.

Earlier, we found that all nodes of a static gate have direct paths to ¥, or Gnd.
So long as the power remains on, the value of the output node is held indefinitely.

e e

i
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Dynamic gates, on the other hand, store their value on a capacitor. The storage
nodes are often isolated from the rest of the circuit for long perieds of time. There-
fore, node values may decay over time if not refreshed or updated periodically. A
dynamic node is also more susceptible to noise events than static gates. It is in this
sense that the name dynamic is applied—the node voltage is held somewhat pre-
cariously by the charge stored at the node. This feature renders dynamic logic less
desirable than static circuits for most designers. However, if we are careful about
how we design this type of circuit, it can outperform static logic circuits. For this
reason, we explore dynamic design techniques in this chapter.

One form of dynamic logic uses transfer gates as switches to propagate infor-
mation through the circuit. When the switches are off, their outputs are held in a
high-impedarce (or high-Z) state implying that the gate is no longer driving the
output, In this condition, the previous value is stored as charge on the output capac-
itance. A second form of dynamic logic relies on additional clocking signals for
proper operation. On one part of the clock cycle, all logic gate outputs are
precharged to an initial value. On the other part of the cycle, the gates evalate their
correct output values, We now discuss these two types of dynamic logic circuits in
detail.

7.2 Basic Concepts

We begin our study of dynamic circuits by considering the pass transistor or trans-
fer gate (sometimes referred to as a pass gate or transmission gate). These devices
will expose the advantages and limitations of using a single transistor as a switch.
There are three basic concepts that are important to dynamic circuits. These are
charge sharing, feedthrough, and charge leakage.

7.2.1 PassTransistors

The role of a pass transistor is to transfer an input signal, unaltered, to the output
node when the gate is on. When the gate is turned off, the output enters the high-Z
state and holds its previous value. This type of logic gate has an input, an output,
and a third terminal that controls whether the device is on or off. In Figure 7.1, sin-
gle #n-channel and p-channel implementations of the transfer gate are shown under
various input conditions. The source and drain nodes serve as inputs and outputs,
while the gate node serves as the control input.

Figure 7.1 illustrates the signal transmission capability of each type of transfer
gate in the on and off conditions. Figure 7.1a demonstrates that the n-channel device
can successfully pass 0V when its control input is at Vy;,. Similarly, the PMOS
device propagates Vpy, from input to output when its control input is 0 V; as in Fig-
ure 7.1b. However, both NMOS and PMOS devices have problems passing the
opposite signal level. The NMOS device in Figure 7.1c has trouble passing Vpp,
since it shuts off when the output rises to Vpp — Vi with full accounting for body
effect. The PMOS has a similar problem with low inputs, as shown in Figure 7.1d.
When the control input shuts the device off, the cutput enters the high-Z state, asin
Figure 7.1e and Figure 7.1%
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(&) o

Figure 7.1
NMOS and PMOS pass transistor configurations,

The reason for difference in transmission capability of the NMOS device can be
understood by comparing Figure 7.1a and Figure 7.1c. The drain (D), gate {G), and
source (§) have been identified to clarify the description. For an NMOS device, the
drain is the higher of the two nodes. Since the MOS transistor is a symmietric device,
the determination of the drain and source can only be carried out after the node
voltages have been assigned. In Figure 7.1c, the drain is connected to Vp, since this
is guaranteed to be the highest node. If the source node starts at 0 V, the device is on
and in the saturation of operation. Current flows from drain to souzce to charge up
the output capacitance and the source node voltage begins to increase. It continues
to increase until Vi;; = Vi, At this point, the output voltage is V,p — V. In Fig-
ure 7.1a, the drain and source terminals are reversed. The value of Vi is always V,,,.
As such, the device is always on and will pull the output node low until V¥, = 0, at
which point the cutput is Q0 'V.

For the p-channel device, we can go through the same exercise for Figure 7.1b
and Figure 7.1d. This time the definition of the drain and source are reversed such
that the higher voltage is the source and the lower voltage is the drain. In Figure
7.1b, the drain node begins at 0 V and rises as the PMOS device charges it to V.
The output can reach Vjj, since the value of Vi, is constant at — ¥, implying that

Dell Ex. 1038
Page 220



312 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

Voo Yoo
1o 11 1
L J Voo~ Vv T Yoo~ Vv
(a} (b}
T
Voo~ Vv
Voo _|_T Voo—2Vey
Vop JT Vop=3Vpy
{©}
Figure 7.2

NWOS pass gate configurations {ignoring body effect).

the PMOS device is always on. In Figure 7.1d, the source node begins at ¥V and
drops in voltage as the cutput capacitance is discharged until the value of Vg =
| Vel At this point, the device shuts off. Therefore, the lowest voltage that the out-
put can reach is | Vi)

Figure 7.2 shows three n-channel pass transistor configurations to further clar-
ify the operation. Note that the two circuits of Figure 7.2a and Figure 7.2b produce
the same output, Vp, — Vi, At first glance, it would seem that Figure 7.2b with
three seri¢s transistors would produce an output of Vj; — 3V, but this is incor-
rect. Bach pass transistor is able to pass a value of Vi, — Vi, from input to output
when the gate voltage is V5. Figure 7.3¢ illustrates the actual configuration that
would produce an output of Vi — 3 Vy,. In each successive pass transistor, the gate
voltage is ¥V, lower than the previous transistor. The output can only climb within
a threshold voltage of the gate voltage before the device shuts off. Note that the more
accurate value of the output jsin fact Vi, — Vi — Vg = Vs due to the change
in the body effect term in each transistor. The reader should be aware that this
example is contrived since designers should avoid using the output of a pass tran-
sistor to drive the gate of another pass transistor.

For completeness, the p-channel equivalents for Figure 7.2 are given in Figure
7.3. The same arguments for the n-channel configurations can be applied {o the
p-channel devices, with the corresponding changes in output voltage levels.
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Figure 7.3
PMOS pass gate configurations (ignoring body effecs).

7.2.2 Capacitive Feedthrough

The role of the control node of a pass transistor is to place the device in the gn and
off states. As such, it is often driven by a clock signal. Tdeally, this input should not
have any direct influence on the output, except to enable or disable the transfer gate.
However, there exists a capacitance, 8 between the gate and output nodes that
causes the clock signal to feed through to the output. This effect is lustrated in Fig-
ure 7.4. The control signal undergoes a voltage swing from Vp,,, to 0 V, thereby shut-
ting off the device. This places the output in the high-Z state since Vg < Vi, At
this point, the two capacitors, Crand G,,, are isolated from the rest of the circuit.
As the gate voltage decreases in value, the charges associated with the two capacitors

Figure 7.4
Clock feedthrough.
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{2) Posttive feedthrough {b) Negative feedthrough

Figure 7.5
Dynamic circut effects of capacitive feedthrough.

redistribute to maintain equality. This redistribution, called displacement current,
forces the output node to drop in voltage by an amount determined by the relative
values of Crand G, 4. The fact that a small replica of the clock appears at the out-
putledto tf;e terminelogy of dock feedthrough for this effect. The same effect would
be observed at the drain node if it were isolated from the rest of the circuit. How-
ever, we have assumed that drain is driven by a static gate in this example,

The capacitive effects associated with feedthrough may occur in the positive or
negative direction. We can understand these effects by examining isolated capacitors
in series as shown in Figure 7.5. For a series combination of two capacitors, positive
and negative feedthrough result in noise injection at an internal node when the
external node rises or falls. The change at the external node 1 produces a replica
change at the internal node 2, which is a high-impedance node.

The exact voltage change at the internal node can be determined for the ideal-
ized cases of Figure 7.5. The charges associated with the two capacitors must be the
same at equilibrium:

GV, — V) = GiVa (7.1)
Therefore,
C.V,
2 = ._f]— (7'2}
Cr+ Cga

If there is an abrupt change in voltage at node 1, there Is a corresponding but
smaller change at node 2:

A GAY,
V,=—— 7.3
Gt G 7.3

In Figure 7.5a, when there is a large positive change in V), the internal node
voltage will change by an amount dictated by the ratio of Cyto (C; -+ Cypg). The
change at node 2 will be in the positive direction. This is sometimes referred to as
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bootstrapping.! In Figure 7.5b, we have a negative going step at node 1 that pro-
duces a replica negative going step at node 2. Consider the two extreme cases of
feedthrough. If Gy is much larger than C,;, then AV, approaches AV,. On the other
hand, if C,,, is much greater than G then AV, approaches 0. For the pass transis-
tor, the value of Cyis determined by Cgg while C_; is determined by the junction
capacitance, Cgg, plus the loading capacitance of the next gate. To reduce the
feedthrough effect, we should ensure that G g > Cp.

V; Drop and Clock Feedthrough Effects Example 7.1
Problem:

In the circuit below with the input at 1.2 ¥, what is the initial value of the output
when the clock is at 1.2 V. Estimate the final value after the clock goes low, Repeat
the problem for the case when the input is 0 V. Assume that the device is 44/24 in
0.13 pm technoiogy.

L TE
I I I 1

Solution:

Initially, the output will be a threshold voltage below 1.2

Vour = Vop — Vi = 12 — (0.4 + 02{3/0.88 + V,,, — V0.88)}
Vo= 0T3V

When the clock switches from high to low, the feedthrough effects will act to
reduce the value at the output:
(1.2}

V=073 — AV =073 —
out G+ Cong

In this example, C, Is due to the overlap capacitance since the transistor is in the
cutoff region. Therefore,

Cf = Co.u_ = CQIW = {925 fny,m) X 0.2 pm = 0.05 {F

! Bootstrapping is uswally associated with increasing a node voltage above Vi using active devices. We use the
term here more generally to refer to any increase in the voltage due to series capacitor effects.
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The value of (4 is due to the junction capacitance. Therefore,
Cong = Co X W= 1fF/um X 02 pm =02 fF
The resulting value of ¥, is

Vo, = 0.73 C1.2) 0.73 005(12) =073 — 024 ~05V
ot T G+ Coe 005 +02 e

For this particular case, the clock feedthrough effect is significant even though we
are only considering the overlap capacitance. The resulting voltage is below typical
switching thresholds and this would he a problem. In a realistic situation, there is
always additional grounded capacitance at the output due 1o the fanout gates. This
would greatly reduce the degree of clock feedthrough.

When the input is 0 V, the output is 0 V. However, in this case, the device is in
the linear region of operation. Therefore,

Cr=1/2 CW + C, = (1/2)(2 7/ um) (0.2 pem) + (025 FF/m)(0.2 wm)

=025 fF
€{1.2) 0.25(1.2)
Vou = 0= e =% omreaT 0—067=—067V

In this case, the voltage drop is substantially more than the first case since the
device is in the linear region, However, the device does not shut off until Vo < Vi,
Therefore, this result is not as accurate as the previous case, but also not as impor-
tant. The feedthrough aquation is intended for use at high-Z nodes only.

7.2.3 Charge Sharing

Another important issue in dynamic circuits is charge sharing which tends to
reduce the voltage levels even further. This phenomeneon occurs when two isolated
nodes with different voltage levels are suddenly connected together when a pass
transistor turns on, as shown in Figure 7.6. The key requirement is that the two
nodes are in the high-impedance state and store different voltages. When the switch
turns om, the charge redistributes until the voltage levels at the two nodes are equal.
This reduces the voltage at one nade while increasing the voltage at the other. If the
voltage is reduced at an output node, it is of concern to us. We can analyze charge
sharing by examining the total charge before and after the charge-sharing event.
In Figure 7.6a, the total charge in the closed system is

Qua = GV, + GV, ‘ {7.4)

‘When the gate node is switched from 0 to V), as in Figure 7.6b, the transistor turns
on and a charge transfer occurs between the two nodes until an equilibrinm voltage

Dell Ex. 1038
Page 225



-

TRANSFER GATE AND DYNAMIC LOGIC DESIGN 317

{a) Before {b) Atter

Figure 7.6
Dynamic charge sharing.

is reached. At equilibrium, the total charge in the system remains constant. If V* is
the final voltage after charge exchange is completed, the total charge is given by

Qs = (C; + C}V* {7.5)
Combining (7.4} and (7.5}, we obtain
yr= GV T GVl (7.6)
C,+ G,

As an illustration of charge sharing, assume that V, = 0 and V, = V,,, — V in Fig-
ure 7.6a. After the transistor turns oz, the voltage at V;, will drop in value and the
voltage at ¥V, will increase. Equation (7.6} specifies the final voltage on the two
nodes, If V, drops below the switching threshold of the next gate, it will trigger the
gate to produce an incorrect output. This is a serious consequence of charge shar-
ing. To reduce charge sharing in this case, C, should be made much larger than C,.
There are additional techniques that can be employed to reduce the effects of charge
sharing that will be described later in this chapter.

Equation (7.6} should be used carefully in conjunction with Figure 7.6 since it
is only valid if V™ does not exceed Vpp, — Vi, If the computed voltage goes beyond
this value, then V; should be set to this value and then V, re-calculated with the
remaining charge, Q .1 — G, (Vpp — Vit In this case, V; # V, after charge sharing.

00 S SR
Charge Sharing Example Example 7.2

Problem:

In Figure 7.6a, compute the charge-sharing effects for the following cases assum-
ing 0.13 zm technology parameters:

8 G =100 G =20V, =0, V=12V
{b} C1:20fF,C2=2{3fF,V3=G,V2:1‘2V
(© C, =20, C, =100fFV,=0,V,=12V
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Solution:
YV, + GV, 100 fF X 0 + 20 FF % 1.2
@ ve = Q% ) _( ) _oav
C+ G (20 fF + 100 fF)
C Yy + GV 20 fF X 0 + 20 fF X 1.2
by oo GG ) oy
C+ G (20 fF + 20 fF)
CV, + GV, 20 fF X 0 + 100 fF X 1.2
SR L e ) 1o
€, +6G (20 fF + 100 fF)

This last solution is not possible since the voltage of node V, cannot rise above Vi
— V. lgnoTing body effect, the maximum voltage at node V) is 0.8 V. The total
charge in the system is 120 fC. Node V, requires 0.8 X 20 fF = 16 fC of charge. That
leaves 120 — 16 = 104 fC of charge on node V,. This implies that the voltage at
node V, = 104 fC/100 fF = 1.04 V.

o S s S o S

7.2.4 Other Sources of Charge Loss

When a pass transistor shuts off, the output node enters a high-Z state and retains
the value of the node as charge on s capacitance. Unfortunately, the charge tends to
leak away over time unless the value is updated or refreshed periodically. If a high
value is stored, there are two possible sources of charge leakage. One source is
reverse-bias leakage current from the drain junction. This current is rather small as
it depends on the area of the junction which continues to shrink as technology
scales. Of greater concern is the subthreshold current as described in Chapter 2.

A second source of charge loss is noise injection from neighboring wires. For
example, if a wire is routed too dlosely to a dynamic node, capacitive coupling
between the wire and the node could result in noise injection during switching
events. The mechanism is similar in nature to feedthrough and bootstrapping. This
form of noise injection can have serious consequences and must be considered care-
fully when designing dynamic circuits. Coupling noise is the subject of Chapter 10
on interconnect.

Another problem is associated with a-particles which are also responsible for
data loss in memory circuits. These are high-energy particles that may be present in
device packaging materials, such as solder bumps, or due to cosmic rays arriving
from space. Particles of this nature can enter the silicon substrate and generate hole-
electron pairs that act to discharge the output, This occurs over a very short amount
of time and leads to unexpected functional failures in the circuit, The detailed
mechanisms are beyond the scope of this book, but the importance of a-particles as
a leading cause of so-called soft errors in both dynamic and static circuits should be
recognized.

7.3 CMOS Transmission Gate Logic ’

In the previous section, we observed the Emitations of using either a single NMOS
or a single PMOS device as a transfer gate, Each one is capable of transmitting one
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C
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Figure 7.7
CMOS transmission gate and fogic symbol,

of the levels accurately but neither device is capable of transmitting both high and
low woltages properly, as evidenced by Figure 7.1. A nanural improverment can be
constructed by placing an NMOS device in parallel with a PMOS device to create s
CMOS transmission gate, as shown in Figure 7.7. The two devices in combination
can fully transmit any signal value between V), and Gnd. The cost of this feature is
not only an extra transistor, but also an extra inverter since each transistor requires
a complementary control input. Therefore, a total of four transistors are necessary
for the CMOS version. The corresponding symbol for the transmission gate is aiso
shown in Figure 7.7. .

To understand the transmission capability of the CMOS transfer gate, consider
the two cases shown in Figure 7.8. The two transistors have been separated out to
clearly identify their role in transmitting 0 ¥V or V. In Figure 7.8a, a 0 V signal is
being transmitted through both devices with an initial output of V5. The NMOS
device has Vg = Vpp, for the entire duration of the transition of the output from
Vpp to 0 V. Therefore, it can pull the output to 0 V by itself, The PMOS device can
only pull the ovtput to |V since it shuts off at that point. Note the positions of the
gate and source terminals. The Vo value of the PMOS device decreases in magnitude

FDD VDD
o |
§ 1.5 0¥ b M1 8 V¥pp-Vm
In Out ¢ tIn O !
1 § 4 i
oV P Vpp OV "_’P_D__i { OV—Vpp
| H ! i
] £ ¥ 1
| : : :
| D S vl LS D_iVnp
In Out in Out
T c
(a) (b}
Figure 7.8

Transmitting low and high signals.
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as the output falls from Vi, to 0V, and it gets progressively weaker. In fact, the
NMOS device pulls the cutput from |Vl to 0 V after the PMOS device shuts off
completely.

The roles of the two devices are reversed in Figure 7.8b, where the transmission
gate is attempting to pass an input of Vpp to the output with an initial condition of
0 V. In this case, the NMOS device becomes progressively weaker as the output
increases since its Vg value is decreasing, The PMOS device has a Vi, value that is
constant at — V. Therefore, it remains on during the entire output transition.
When the output reaches Vi, — Vi, the NMOS device shuts off and the PMOS
device pulls the ortput the rest of the way t¢ V. By examining these two cases, it is
clear that the weakness of one device is overcome by the strength of the other device,
whether the output is transmitting a high or low value. This is a clear advantage of
the CMOS transfer gate over the single transistor counterpart.

Another advantage of the CMOS transfer gate is that the degree of capacitive
feedthrough is reduced. This is because it is clocked with the true and complement
values of the enable signal. Referring to Figure 7.7, when the signal Cfalls, there may
be feedthrough at node B, but it would be canceled by the transition to a high volt-
age at C. If the target voltage of B is low, feedthrough due to C would only make it
lower. So this case is not a problem. If the intended voltage at B was high, then
feedthrough would normally make the voltage lower, But since the p-channel device
remains ox for slightly longer than the #-channel device, it is able to pull the output
back to V5.

7.3.1 Multiplexers Using CMOS Transfer Gates

CMOS transmission gate logic can be used to reduce the number of transistors
needed to implement certain logic functions. They can be used in a variety of situ-
ations, but the most popular is in the role of a multiplexer as shown in Figure 7.9.
The control signal S turns the transfer gates on and off depending on its value.
Specifically, when § = 1, the upper transfer gate is o and that allows A to flow to
the output. When § = 0, the lower transfer gate is oz, and that allows B to flow from
input to output, Therefore, the function of this configuration is F = AS + BS. This

gl

§ —— . F=AS+BS

Figure 7,9
Mudtiplexer configuration.
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4 A
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i  F=AB+AB A ! | — FoAB+AE

il
5]

{2) XOR gate {5} XNOR gate

Figure 7.10
XOR and XNOR gates using CMOS transmission gates.

is a multiplexer where.pnie of two input signals is selected based on the value of a
contro} signal.

Assuming that certain rules are followed, it is a simple matter to construct other
useful circuits using the multiplexer of Figure 7.9. By specifying the inputs and con-
trol signals in a particular pattern, we can construct XOR and XINOR gates as shown
in Figure 7.10. A static CMOS gate version would require 16 transistors whereas the
transfer gate version requires only 8 transistors (including all necessary inverters).

Another example is shown in Figure 7.11. Here, two multiplexer configurations
that select one-of-four inputs are shown. In Figure 7.11a, a two-level strategy is
used, while in Figure 7.11b a single-level is used. The two-level approach requires

sD s0 sl 51 . sA sB sC| sD
4 — A
B—AE Q:] B
= —QUT — CUT

[ _‘E qj c
T =

D

3] (O]

Figure 7.11

Two-leve! and single-level multiplexer configurations.
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Figure 7.12
Improper conditions for rmultiplexer style logic.

only two control signals, s0 and 51, and their complements. The single-level approach
looks more atiractive but requires four control signals, s4, 5B, sC, and sD, and their
complements. There are more inverters required and more significant signal routing
issues in this case. We will study the speed of the two approaches in a later section.
For this type of MUX function to work properly, the control and data inputs
must be carefully specified. First, the data inputs to the multiplexer must all be valid,
and second, the control signals must turn on only one path at a time. If these rules
are not followed, conilicts or charge sharing may occur and corrupt the value at the
output. For example, if there are multiple paths to the output, as in Figure 7.12a, 2
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A
B A
VDD yDD ,L
4
_ F=A+B L F=AB
B
B A
IS
{8} b

Figure 7.13
OR 2nd AND functions using TMOS transmission gates.

conflict would arise at the output if A and Dhad different values. If there is no path
to the output due to off devices in all paths, the output will assume a high-imped-
ance state as in Figure 7.12b. If intermediate gates are o#, as in Figure 7.12¢, then an
unknown may result at the output {possibly due to charge sharing).

To build general logic functions using transmission gates, the first step is to
select the control signals and build a truth table for all the possible combinations.
Then, the truth table is converted to a multiplexer-style design by creating a signal
path in the circuit for each row of the truth table. Next, the desired output values
specified in the truth table are routed from the data inputs to the ocutput. Any
needed OR and AND operations can be realized using parallel and series transmis-
sion gates as shown in Figuare 7.13. Finally, optimization of the design may be car-
ried out to combine paths or remove unnecessary transistors.

implement the function F = AB + ABC+AC using transmission gates. Example 7.3
Solution:
Identify A and B as control signals and build a truth table.

A B F

a c

0 | 1 c

1 ) c

1 1 1
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This truth table can be directly implemented as shown below using F as data

input.
]
Von
A
B
c
B F=(AB+ABC) +{AC)
Cc
B
c L
A
B

The first two lines of the truth table are associated with the lower part of the
multiplexer. They can be combined to simplify the implementation. In addition, the
transfer gate connected to V,,, does not nead an n-channel device since It is only
passing a high value. With these two optimizations, the following circult results:

F=(AB + ABC) + (AT)

CMOS transmission gates can also be used with combinational blocks to imple-
ment certain functions efficiently. The first circuit in Figure 7.14 is a six-transistor
XOR gate. The second circuit simply illustrates the use of transmission gate logic with
standard CMOS logic to implement a complex function. In order to quickly extract
the function Ffrom the given circuit, follow the NMOS side of the transmission gates.

Dell Ex. 1038
Page 233



|

-

F=AB+AB

2
B Dc i

Figure 7.14

ks

c

— ke

TRANSFER GATE AND DYNAMIC LOGIC DESIGN 325

F={AB + ABC) o (AC}

%

ry

Transmission gates and standard gate combinations.

In this case, the NAND operation is being performed on the two inputs. One input is
AC, while the other input is AB + ABC. The resulting functicn F is the NAND of

these two terms as shown in the diagram.

Describe the operation of the XOR gate of Figure 7.14, Discuss its advantages and Exercise 7.1

disadvantages relative to other XOR circults considered so far in this textbook,

7.3.2 CMOS Transmission Gate Delays

In order to evaluate the timing performance of circuits contamning transmission
gates, an RC model of these gates must be developed. The model for a CMQS trans-
fer gate [TG) consists of an on-resistance, Ryg, and two capacitances, C, and C,, as
shown in Figure 7.15. The on-resistance of the transfer gate is a parallel combina-
tion of the on-resistances of the NMOS and PMOS devices. The value of the resis-
tances will depend on whether a § or a 1 is being propagated through the gate. The

1

Cl
c

Figure 7.15
RC model for CMOS transmission gate.

gz‘V
A
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resulting RC model must be combined with the RC models for the driver and load
of the transfer gate. It should be noted here that transmission gates do not, by them-
selves, have any drive capability. Their role is to transmit signals from input to out-
put under gate control. Some type of gate must be connected at the input as the
driver for the signal in all circuits that use transfer gates.

A detailed analysis of the on-resistance can be performed by considering the
two cases shown previously in Figure 7.8. The large-signal resistance can be com-
puted using the equation:

Vs
Ren Tos
If we return to Figure 7.8a, the input is 8 V and the output undergoes a transi-
tion from ¥,, to 0 V. The NMOS device begins in saturation and then switches
to the linear region as the output voltage drops to § V. When in saturation, the
on-resistance is
Vour

I&at, bl

Rx"v'=

When the device switches to the linear region, the on-resistance is
VOUI

R\f =
IDﬁin,n

The PMOS device is biased in the saturation region until the output reaches [ Vi,
At this point, it enters cutoff and the resistance increases to infinity. In the satura-
tion region, the resistance is given by

R, = You
I&mz, P

The on-resistances for unit size NMOS and PMOS devices, and their parallel com-
bination are plotted in Figure 7.16a. Note that the resistance of the PMOS device
increases dramatically as the output voltage switches from Vi to |Vy,|, while the
NMOS resistance drops linearly over the same range. However, the parallel combi-
nation of the two resistances is relatively constant. It is convenient to model this
resistance by a constant value based on the average during the transition.

The same analysis can be carried out for the second case in Figure 7.8b where
the input is V},, and the output transitions from 0 V to V5. The PMOS device
begins in saturation and then switches to the linear region as the output voltage
rises to V. When In saturation, the on-resistance is

_ VDB - Vom

Rp= 22—
Ipsatp

‘When the device switches to the linear region, the on-resistance is

Vop — Vou

R =
? Iognp
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0 fVrel Vb Vo

{8} Vi =0V, Vou=Vpp—~0V (b} ¥in = Voo, Vou =9V —Vpp

Figure 7.16
MMOS and PMOS on-resistances for falling and rising cases.

The NMOS device stays in the saturation region until the output reaches Vp, —
V- At this point, it enters cutoff and the resistance increases to infinity. In the sat-
uration region, the resistance is given by
Ry = Vep = Vou

j'f)sat,:'c
The on-resistance for unit size NMOS and PMOS devices, and their parallel com-
bination for the second case is shown in Figure 7.16b. Here, the resistance of the
NMOS device increases to infinity as the output voltage approaches Vop — Vo
while the PMOS resistance decreases linearly over the same interval. Again, the par-
allel combination of the two resistances is relatively constant and of similar magni-
tude as the falling case.

A simplified analysis can be carried out to estimate the on-resistance of the
combined devices for the rising and falling cases. If we are propagating V), the
PMOS device behaves as a regular pullup with an on-resistance of approximately
R,,, = 30 kQ/CL. For a unit size device, the resistance is 3¢ k). On the other hand,
the n-channel device is trying to pass a high value and its on-resistance will increase
as its source node voltage approaches V. Since the NMOS device is shutting off,
the resistance will eventually reach infinity. The average on-resistance will be
roughly double its nominal value of R,,,, = 12.5 k{/[1. For a unit device, this value
is 25 k(). The parallel combination of the two devices produces a value that is close
to the NMOS on resistance:

Ryc = Ry//Rp = 2R, //Ropp = 2R /f2AR = L1R, = Ry

Now consider the case when we are propagating 0V through the transmission gate.
In this case, the n-channel device is on and has a resistance of R,,,. The p-channel

Dell Ex. 1038
Page 236



328 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS
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Figure 7.17
Transfer gate capacitances in OFF and ON states,

device is initially o7 and then begins to shut off as the voltage drops to 0 V. There-
fore, its resistance is roughly 2R,,,,, which is about five times R,,,. The parallel com-
bination of the two values produces

RTG = RN /-RP = Reqn szeqp = Reqn /é.gReqn = 0.83}{@3 = Ra}n

In effect, the on-resistance of the CMOS transfer gate is approximately R,,, regard-
less of the rising or falling conditions. Therefore, we will use this value for all resis-
tance calculations with suitable adjustment for different W/L values:

L

We now turn our attention to the capacitance calculation, The transfer gate capac-
itance can be determined by examining the capacitances at the input and output for
the o and off cases. When the transfer gate is off; as in Figure 7.17a, the Cgsand Cgpy
capacitances for both devices are zero, except for the overlap capacitances (not
shown). In this condition, the input and output capacitances are due to the junction
capacitances of the n-channel and p-channel devices.

Using C,, the input and output capacitances are

Cin = Cout = ng(Wf; + va) (?8}
Since the two devices are the same size this simplifies to
cirz = Cmu = eﬂ'zy’f {?*9}

Next, consider a transfer gate in the o state, as shown in Figure 7.17b. Here the
devices are assumed to be in the linear region (which is true for some part of the
transition for both devices). Therefore, the input and output nodes see haif the gate
capacitance from each device along with the junction capacitances (and overlap
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Figure 7.18
Transmission gate with driver and load,

capacitances}. The total input and output capacitances are equal and can be com-
puted as

1
Cin=Cou= Cg(W, + W,) + 3 (CW, + C W) {7.10)

Note that both devices are the same size so this can be simplified to
Con = Couw = C2W + CW (7.11)

With the complete RC model defined as above, if is now possible to compute the
path delay of circuits containing transmission gates. However, accurate delay calcu-
lation must involve the characteristics of the driver and load of the fransmission
gate, This is illustrated in Figure 7.18a where an inverter is driving the transmission
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gate which is loaded by a second inverter. To compute the delay accurately, the RC
model shown in Figure 7.18b is required. Here the inverter RC model is connected
at the input of the transfer gate and the load capacitance is connected at the output
of the transfer gate. The resulting circuit is an RC ladder.

The Elmore delay equations for RCladders and RC trees are described in Chap-
ter 10. For the purposes of our analysis here, we simply use the results derived in
that chapter. Specifically, the delay of the two-stage RCladder of Figure 7.18¢ using

the Elmore delay equation is

fomore = RiCy + (R; + R1)C,
Therefore, for the RC network of Figure 7.18b, we would compute the delay as

TElmore Rinv(ciszv + CTGi) + (Rinv + RTG) (CTGE + ciead)

M

Example 7.4 For the two multiplexers in Figure 7.11, which one is faster, assuming that there
exists a path from input to cutput? Assume that a 1X inverter drives each input and
the fanout of the multiplexer is f times the 1X inverter.

Solution:

in order to compute the delays, we need to make use of the Elmore delay calcula-
tion. For a three-stage RC ladder, the delay has the form

tomwe = BiG + (R + RIG+ (R + Ry + B)G

Using this formulation, we can derive the RC dircuits and delays for the two cases

as follows:
MUX1:
1] H i3 i
50 s sl 51
P —QA
1X L~ 0n ON
OFF ™~
Out

ON f
OFF {OFF

ouT

ty = By C) + By + Bl + iy + 2Ryt G
C=3C W+ C W+ IC R, =R
o= C,Wx2 +2C,Wx3 Reg=R
Cy=2C WX 2 + G, + CW
ty = R(29C 5 + 8C, + YCIW
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MUXZ:

1161018

"""""" Rigw Rrg oUT

sz
i

it

o T Cs

———
~Do— 2= RiyCy + Rigy + ByglCsy
oUT

fi Cy=3C W20, W+ CW R, =R
OFF Cs=20,,Wx4+ O W+ IO W Rg=R

f3= R(21Cyp + 3C, + 6fCIW

OFF

Comparing the two cases, MUX1 is slower than MUX2. If we have too many transfer
gates without any buffering, the delay increases very quickly. Also, we will eventu-
ally drive a large load, and transfer gates do not have the needed driving capabil-
ity. However, MUX2 requires more routing resources than MUX1.

7.3.3 Logical Effort with CMOS Transmission Gates

‘We now address the topic of logical effort {(LE) and its application to CMOS trans-
mission gates. Consider the circuit of Figure 7.19 with a minimum size transmis-
sion gate. This is another type of tristate driver which performs a similar function
to the tristate inverter seen in Section 4.9 of Chapter 4. Here, we have three inputs:
A, sel, and sel. Since both sel and sel are related, we can compute the LE for the sel

R
A CuT
R
I™
Q =
R _SwWeR _, . _ W0Ry _
LE input A = Swr =2 LE input sel = WR =2/3

Figure 7.19
Logical effort computation for transmission gates,
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R
A
R3
1 Cioaa
. _3WARID _ . _ 3WARID) _
LEinputA = —=wR - 43 LE inpet sef= =wr - 43
Figure 7.20

LE computation with a 3X transmission gate.

and A inputs. For input 4, we apply the ratio of 7,,,./7,, as prescribed by the LE
method. This involves the product of C;, with R zas described in Chapter 6. The
expression for G, is 3WC, for the inverter. R zis 2R, given that the inverter and TG
each have a resistance of R. Therefore, LE, = 2. For input sel, the input capacitance
is WC, and the total path resistance is 2R (including the inverter). Therefore, LE
= 2/3,

If we increase the size of the transmission gate to three times the minimum size,
we see from Figure 7,20 that the LE of the A input decreases while the LE for the sel
input increases. This makes sense intuitively since input A experiences a smaller
output resistance without any change in its input capacitance, while input sel expe-
riences an increase of three times its input capacitance but not a reduction of three
times its output resistance.

Example 7.5 Logical Effort for NAND Driving CMOS TG
Praoblenw:

For the two designs shown below, compute the logical effort for input A and input sel,

—c{ 2w —[ 2w 4[; —c{ aw —df 2w _l_
D W D 4w
A [ 2w —|_ v A ow w
sel sel

B ———l _lz—w B __—}

Dell Ex. 1038
Page 241



TRANSFER GATE AND DYNAMIC LOGIC DESIGN 333

Solution:
, AW(2R) ) AW(5R/4}
LEinput A = SWRE 8/3 LEinput A = W )
W{2R) AW(5R/4)
H = —— = 2/3 H = — =
LE input sef SWE / LE input sef WA 5/3

e e 0w A S

7.4 Dynamic D-Latches and D Flip-Flops

The operation and design considerations of latches and flip-flops were described in
Chapter 5. The D flip-flop and D-latch are perhaps the most widely used circuits in
CMOS design. In this section, we describe design improvements associated with
these types of sequential elements when implemented with transfer gates. The
major advantage in using transfer gates is that the circuits require many fewer tran-
sistors than the configurations shown in Chapter 5.

We begin with the simplest possible D-latch, shown in Figure 7.21a. Surpris-
ingly, a single NMOS pass transistor functions as a D-latch. It is transparent since
the value of D is propagated to @ while CLK is high. When the clock transitions
from high to low, the last value is stored on the capacitor C,. However, there are a
number of obvions problems with this circuit based on material presented earlier in

{a) b}

.

Figure 7.21
Frogression of simple D-latches.
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1> b 1 :] [ D 5 1‘; Doue

Figure 7.22
CMOS D-latch using transfer gates.

this chapter. First, the voltage at the output can only rise to Vpp — V. Second, there
is clock feedthrough at Q when the clock goes low. The level of feedthrough is given
by Equation {7.3). Third, there is no Q output available. Finally, and perhaps most
importantly, the output is in a high-Z state after the clock goes low so it is suscepti-
ble to all of the charge loss mechanisms.

Most of these prablems can easily be resolved. The circuit of Figure 7.21bis a
CMOS transmission gate {TG) that resolves the V. drop and clock feedthrough
issues, as we know by now. The generation of Q is simply a matter of adding an
inverter as shown in Figure 7.21c. While this “improved” D-latch will work as
required, its relability is still questionable due to the dynamic storage at node Q.

To solve this problem, we need a feedback loop to statically hold the value when
the latch is off. This is llustrated in Figure 7.22. Here, we added another inverter to
generate Q,,, (since we cannot drive a load from the internal node QJ, and intro-
duced another CMOS TG to connect back to the initially generated Q. Note that the
clock on the new TG is reversed with respect to the first TG. With this clocking
scheme, TG1 is on when we are in fransparent mode, while TG2 is on when we are
in hold mode. When the latch is in hold mode, TG2 acts to recirculate Q back to the
input of the first inverter, which takes advantage of the regenerative nature of the
inverters. When the circuit is in transparent mode, TG2 is off and the value of D
passes through to @, after a delay of TG1 and two inverters.

While this circuit removes the problem of dynamic storage, it introduces
another small problem. When the CLK signal goes high, we note that there is a delay
before CLK goes low. In that situation, the #-channel device of TG2 is still en. If D is
different from the previously stored Q, then there will be a conflict at node Qfora
short duration. TG1 is attempting to apply a new value at @ while TG2 is recirculat-
ing the old value through the loop. The problem can be resolved with proper sizing
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