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CLK

Figure 7.23
Typical D-latch implementation in CMOS.

of the INV2, TG2, TG1, and the gate that is driving . The basic idea is to ensure that
the forward path is “stronger” than the feedback path. Therefore, the driver and TG1
must be large enough such that the devices driving the forward path can swing the
voltage at Q past the switching threshold V; when competing with INV2 and TG2. If
they are not sized properly, the old value will remain latched until TG2 turns off.

A more popular version of the D-latch is shown in Figure 7.23. This circuit
employs the same principles as the one shown in Figure 7.22 but avoids any con-
flicts at internal nodes. The operation of this latch is as follows. When the CLK is
high, the latch operates in transparent mode. Any changes at the input D are
reflected at the output after a delay of TG + 2 INV. If the input data is high, then
the value of Q is low. Therefore, M, is on and M is off When CLK goes low, then
M, is turned on while M, is turned off The internal node X is pulled high through
M, and M,. Note that there is no conflict situation in this circuit, and node Xis not
a dynamic node. A similar analysis can be done with a low input data. This time M,
and M, would act to pull the internal node low after the clock goes low. Again, there
are no conflicts in this configuration.

The circuit for a master-slave D flip-flop can be constructed from two D-latches,
as shown in Figure 7.24. The flip-flop is simply a cascade of two D-latches. The con-
nection of the clock signals to the master and slave are Important to note. The posi-
tive edge of the clock shuts off the first latch and enables the second latch. The oper-
ation of the flip-flop is as follows: when the clock is low, the first latch is transparent,
while the second latch is disabled. The data will flow up to TG2, but no further since
TG is on and TG2 is off. When CLK goes high, TGI shuts off and holds D at the
internal node Q. Either the pull-up or pull-down path for the internal Q is enabled
depending on the data value, Meanwhile, TG2 turns on and allows Q to flow to the
outputs. Since D is only transmitted to the output on the rising edge of CLK, this is
a positive edge-triggered {lip-flop.
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Positive edge-triggered D-type flip-flop.

7.5 Domino Logic

We have already seen the numerous difficulties that may arise with dynamic logic:
charge sharing, feedthrough, charge leakage, single-event upsets, etc. These problems
have limited the use of dynamic logic in industry. Furthermore, the CAD tool sup-
port needed to verify these types of designs are not readily available, Nevertheless, it
is worthwhile to understand this approach for two reasons. First, static gates require
numerous PMOS devices with relatively large sizes. Trying to implement a high fanin
gate {i.e., a gate with more than four inputs) is difficult because either the N-complex
or P-complex will require a large series stack. Pseudo-NMOS gates help to reduce the
high fanin problem at the expense of static power when the output is low. The
dynamic approach allows us to design circuits that are faster than static gates, with
lower power than pseudo-NMOS, so they are worth exploring. We Hmit the treat-
ment here to the most prominent dynamic configurations used in industry.

The structure of a dynamic logic gate can be derived from a static logic gate, as
shown in the diagram of Figure 7.25. The conversion from static CMOS to pseudo-
NMOS is straightforward, as shown in the first and second diagrams. We know that
the second gate suffers from excessive power dissipation when the output is low. We
need a way of shutting off the PMOS device when the output is low so as to reduce
the power. What if we turned on the PMOS device to precharge the output to a high
value, and then shut off the PMOS device during the period when the output would
go low? For this purpose, we could introduce a new clock signal, D, echarges 10 TUIN
the PMOS device on and off as needed. However, if we tried to charge up the output
using the clocked PMOS device while a path to Gnd existed through the NMOS
devices, we would have contention between the pull-up and pull-down paths.
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Evolution from static gate to dynamic gate,

Therefore, we must add another NMOS transistor, called a foot transistor or evalu-
ation transistor, in the pull-down path. This transistor is turned on only after the
PMOS load is shut off using another clock signal, @, ...-

The configuration described above is depicted in the third circuit of Figure 7.25
where @, 15 used to turn on the p-channel device and pull the output high
{precharge phase), while © .. is used to turn on the n-channel device to poten-
tially pull the output node low {evaluation phase). The precharge signal is active low
since it is connected to the PMOS device. The evaluate signal is active high since it
turns on the NMOS device. Since the precharge and evaluate clocks are in phase, we
can simply use one signal called CLK to drive the precharge and foot transistors.
This is shown in the fourth circuit for the dynamic 2-input NAND gate.

The operation of the 2-input dynamic NAND gate is as follows. Initially, the
precharged signal goes low and the output is precharged high. It is as if we are pos-
tulating a “1” at the output of all nodes during this phase. The precharge phase is
intended to be a small portion of the clock cycle. Then, the CLK goes high and we
enter the evaluation phase when the dynamic gates either remain high or are pulled
low. For this NAND gate, if both A and B are high, then a path exists to Gnd. Other-
wise, the output remains high and we preserve the value on the capacitance at the
output node. This charge storage at the output node makes it a dynamic gate.

Dynamic Gate implementations
Problem:

Implement a 3-input NOR gate in dynamic logic and explain its operation. Size the
transistors 1o deliver the same delays as a conventional CMOS inverter (PMOS
8A:2A, NMOS 44:24).

Example 7.6
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Selution:

The dynamic 3-input NOR gate requires three parallel NMOS transistors, plus two
transistors connected to the CLK input: one PMOS pull-up and one NMOS foot tran-
sistor. When CLK is low, the precharge transistor pulls the output to V. When the
clock goes high, the evaluate transistor turns on.If A or B or Cis high, the cutput will
be discharged to G, if all three Inputs are low, the output will remain high.

The pull-up reguires a width of 84 to deliver the same tise delay as the CMOS
inverter. This is somewhat irrelevant since all gates are precharged simultanecusly.
The pull-down tree should also be sized with BA transistors to produce the equiva-
lent 4A device to deliver the same fall delay as the CMOS inverter. The final sizes are
shown below:

_CLK__C{ g

Afe 2Ca Sa

in reality, the CLK signal arrives first so 4, 8, and C can be considered as late
arriving signals. In that case, the transistors can be reduced to halif the size to
deliver the same delay as the inverter.

]

Most logic functions can be implemented as dynamic circuits using the struc-
ture shown in Figure 7.26. The desired function is implemented in the NMOS com-
plex. Transistors Mpand M), are the precharge and evaluate transistors, respectively.
The foot transistor is the only extra device relative to pseudo-NMOS gates. Note
that all dynamic gates require a clock signal for proper operation. Furthermore, the
clock must be routed to all dynamic gates, as opposed to static gates which do not
require a clock. This places an additional burden on the physical layout tools.

There is a notable complication when one dynamic gate feeds another, as
shown in Figure 7.27a. Since all output nodes are precharged high, all inputs to sub-
sequent gates are high, implying that there will be an active path to Gnd from each
output node as soon as the foot transistor is turned on. Once an output node has
been discharged, it cannot go high until the next precharge phase. Therefore, a
direct connection is not suitable.

A simple solution exists for this problem: add a static inverter to the output of
all dynamic gates. Then define a “stage” as the dynamic gate plus the inverter. The
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Figure 7.27
Connecting dynamic gates.
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Domino cascaded gates.

output of each stage is now low during precharge. Therefore, all NMOS transistors
are off during precharge and can only be turned on during the evaluate phase as
shown in Figure 7.27b. The combination of a dynamic stage and an inverter is
referred to as a domino stage, and circuits using this form of dynamic logic are
referred to as domine logic circuits.

A cascade of three domino logic stages is shown in Figure 7.28. All three stages
are precharged high when ® is low. The clock, @, need not be low for very long since
all stages are precharged simultaneously. In fact, the clock should only be low until
all inverter outputs are low. When & goes high, we enter the evaluation phase where
the internal nodes (labeled Y,,Y,, ¥;} will fall like dominos in order from left to right,
assurning there is a path to the Gnd through their respective n-complexes. This is
why the name domino is used to describe logic circuits implemented in this fashion.

Meanwhile, the true outputs, F,, B, and F;, would rise to Vj,, depending on the
logic in the n-complexes. The clock must remain high long enough for logic to prop-
agate through the entire chain. Therefore, an asymmetric clock with a relatively high
duty cycle {percentage of time that the clock is high) is used for domino logic. The
propagation delay is the sum of each dynamic block and inverter. However, we care
most about the falling edge of the dynamic block and the rising edge of the inverter
output. When we optimize the speed of this type of logic, we try to speed up these
transitions because they are the only ones that control the cycle time,

In fact, we should design a domino stage with a stronger pull-down in the
dynamic gate and a stronger pull-up in the static inverter. For the dynamic gate, we
should increase the sizes of the NMOS devices in the #-complex. Since we are only
interested in the rising output of the inverter, we could increase the size of its PMOS
device, This type of inverter is a skewed inverter since its switching threshold is
skewed relative to the conventional inverter. As a side-effect of the sizing operations,
the V is higher for the static inverter. Furthermore, there is no pull-up fighting the
pull-down in the first gate so its Vj is-actually lower than expected (roughly equal
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to the Vi of the NMOS device}). Therefore, a domino stage will actually switch ear-
lier than a regular gate,

There is also a power savings in domine logic, Only those gates that discharge to
Gnd will dissipate power. There will be no power dissipation due to crowbar current
since a direct path between Vi, and Gnd is not allowed in this type of logic. In addi-
tion, glitches can be effectively removed since all inputs switch from low to high.

One disadvantage of domino logic Is that it can only be used to create nonin-
verting functions. This may not seem to be a problem at first glance, but one quickly
realizes that an #rverter cannot be implemented in domino logic. This is not a seri-
ous problem since we can push the inversions around the circuit as required until
they appear at a primary input or output. We can also generate the true and com-
plement values if necessary using two precharged gates. In the worst case, we will
require twice as many gates but the overall speed will still be faster.

2 S
Adder Function in Domino Logic Example 7.7
Problem:

Implement the function sum = g @ b @ ¢ in domino logic. Assume that the {iterals
4, G, b, b are available as stable inputs to the gates.

Solution:

We need to create the XOR and XNOR of g and b using domino gates and then
apply them to a third XOR gate. Note that we need the true and complement of X
to implement the functfon.

X=aob=ab+ab
X=aob=ab+ab
Sum=caX=cX+oX

Voo
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Figure 7.29
Comparison of static and dynamic logical effort.

7.5.1 Logical Effort for Domino Gates

One question to pose at this stage is whether or not domino logic is actually faster
than the static CMOS gates, and by how much. One way to evaluate its timing per-
formance is to use logical effort, For comparison, consider a static NOR gate and a
dynamic NOR gate as shown in Figure 7.29. The pull-down strengths of both gates
have been made equal and we assume that they are driving the same output load to
conduct a fair comparison. The length of all devices is 24,

For the static gate, we already determined its logical effort to be 5/3. This can be
derived by comparing the input capacitance of the static NOR to a corresponding
inverter. The inverter size of 8A for the pull-up and 4A for the pull-down produces
a ratio of

{NORinputcap.) 164 +4A _
{Inverter inputcap.}  8i + 4A

LENOR = Sj?}

For the domino circuit, the input capacitance is simply 8A since it is only connected

to NMOS devices. Then,

(Dynamicinput cap.}  8A
(Inverter input cap.) 12X

= 2/3

LE&}'D_NOR =

Since the extra inverter in domino logic has an LE = 1, the average LE for each of
the two gates is the geometric mean of the product of their logical efforts {i.e., LE,,

V(2/3) (1) = 0.8). Therefore, the domino stage is better in texms of its overall
drive capability and Input capacitive loading.

The results above may seem counterintuitive at first since there are two stages
in the domino circuit and only one in the static NOR gate. However, the fact that
only one NMOS device is driven in the domino case gives it a decided advantage in
terms of input capacitance. This advantage translates into a faster overall circuit.

Dell Ex. 1038
Page 251



-

TRANSFZR GATE AND DYNAMIC LOGIC DESIGN 343

o

™ ——/—_ Goes to high
ouT zz 3 7 AN z skew gate

Figure 7.30
Charge-sharing example in domino logic.

Furthermore, the pull-down transistors in the domino case do not fight with the
pull-up device as in the case of the static NOR gate (albeit, only for a brief period
during switching). This makes the switching threshold V; smaller for domino
inputs than for static gates.

7.5.2 Limitations of Domino Logic

While the previous sections highlighted the merits of dynamic logic, there are
notable disadvantages that have prevented its widespread use in industry. The main
problem is the potential for logic upset due to charge loss on a capacitor, and that
is not acceptable to most designers. Charge may be lost via charge sharing, noise
injection due to capacitive coupling, charge leakage, or a-particle hits, Once lost, it
cannot be recovered and the circuit ceases to function correctly. We address each of
these issues below.

Charge sharing was described earlier in this chapter. We now apply it to the
domino stage shown in Figure 7.30. Initially, CLK is low so the circuit is in the
precharge phase. The OUT signal is unknown until the precharge is complete. We
assume that signal X is low initially. When CLK goes high, we enter the evaluation
phase. At some point, IN goes high and turns on one of the transistors connected to
the output, while the other transistor in the stack remains off. As a result, we have
charge sharing between the output node and the internal node X . The degree of
charge sharing depends on the two capacitances C,,, and C.: '

#_ _ Com

Co Cou
If they are equal, then the output value will be reduced to half its original value (i.e.,
1/2 ¥pp). Since this value is being fed to an inverter, the implications of this degree
of charge sharing is that the inverter may flip its value and produce an erroneous
result. Furthermore, the fact that the inverter is skewed for timing reasons means
that a smaller drop in the output voltage will cause the inverter to switch. There is

Dell Ex. 1038
Page 252



344 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED IRCUITS

Long

T T
—OI l Wezk ‘Ol H E ‘ Minimum
—>

cLk — — - ok — —]
. .
-

+ =

(a} (&

|

Figure 7.31
Minimizing the effects of cnarge sharing using keepers,

obviously a design tradeoff between timing and noise tolerance when sizing the
inverter.

‘There are a number of ways to minimize charge sharing in these types of cir-
cuits, One way is to increase the output capacitance so that the final output will not
vary significantly from its initial value. The input capacitance of the static inverter
helps in this regard. Another approach is to precharge the internal node X to ¥y,
during the precharge phase with an additional transistor. This will require addi-
tional power and area. It will also increase the delay since there will be additional
charge to remcve from the internal nodes.

A third approach is to introduce “keepers” or “baby-sitiers” to hold the output
value high in the presence of charge sharing. In Figure 7.31a, a weak PMOS device
is placed in a feedback path from the output to the internal node. After precharge,
the PMOS device is on and it continues to pull up the node even after the precharge
is complete, If there is any charge sharing, the output is pulled back up to V5 by
this device. On the other hand, if there is a path to Gnd from the output of the
dynarmic stage, the NMOS path must overpower the PMOS device so that the ount-
put actually switches. For this reason, we need to make the PMOS device very weak.
That 15, the length L of the device is made large which makes the W/L small.

The problem with this requirement is that it places a larger drive requirement
on the output inverter. To circumvent this issue, two transistors can be used in the
feedback path; one transistor is driven by the inverter output but it is a minimum
size device so it does not place a significant load on the inverter. The second one is
always on but it is a very long (and hence weak} device. The effective pull-up
strength is controlled by the long device, but the capacitance seen by the inverter
oufput is due to the small device. There is additional power dissipation, some ratio-
ing that is required and some additional delay. Clearly, as you begin to make the
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dynamic circuit more tolerant to noise, it begins to take on the characteristics of a
static device.

A second issue in dynamic drcuits is leakage, Both subthreshold current and
reverse-bias diede leakage act to remove stored charge from any high-impedance
nodes. However, every output node is precharged on every cycle. Perhaps a more
serious Issue is that of a-particle hits on dynamic nodes. These are cosmic particles
that may enter the substrate and discharge capacitive nodes. Depending on the size
of the capacitance, and hence the total charge on a dynamic node, it could reduce
the value to a point where the stored information is lost. One way to overcome this
issue {s to increase the size of the capacitances, but this increases the area and power
of the circuits. The keeper circuit is also useful in mitigating the effects of leakage
and a-particles.

A third area of concern is noise injection from the clock or capacitive coupling
to neighboring nodes. Clock feedthrough was deseribed earlier in this chapter and
this effect can be observed at the dynamic output node through the Cgp, capacitance
of the PMOS precharge device. The example below illustrates that this effect does
not pose a problem. The issue of capacitive coupling to other nodes is described in
more detail in the chapter on interconnect. The design approach to reducing this
problem is to minimize the coupling between any dynamic node and its neighber
using either spacing or shielding techniques that are described in Chapter 10.

Charge Sharing and Feedthrough in Domino Logic
Problem:

For the domino function below, assume 0.13 um technology parameters and
answer the folfowing questions:
(a) What function does the gate perform at the output /7

(b) How much dock feedthrough do we cbserve at the internal node X 7 s this
2 potential problem?

(0 What is the worst-case charge sharing voltage that we observe at node X7

Exampile 7.8
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Solution:
{a) The function at the output is F = AB + C [a noninverting function).

{b) Clock feedthrough is due to the clock gofng from low 1o high. The PMOS
device is in the linear region after precharge The feedthrough capacitance is

G _ (2 fF/um}{16)(0.05 pm)

G=Co=—3 2

=08 fF

The grounded capacitance at node X, assuming no source/drain sharing, is
Cana = Cur{ 16X + T6A + BA) + {8 + 41)
= (1 ff/ pm}{(40)(0.05 pm) + (2 fF/um)(12){0.05 pm)
=51{F
The feedthrough voltage is

AV, = CAVy, 08 fF(1.2V)
UG Cuy O0BfFHSHF

=017V

Therefore the output voltage due te feedthrough is 1.2 + 0,17V = 1.37 V.
Since the value is above V. it is not a problem.

{c) The worst-case charge sharing assumes that the output is sitting at 1.2V,
A =1,B = € = 0.We have already determined that C, = 5 fF.The capadi-
tance at the intermediate node between transistors Aand B is

Co = (1 7/ um)(16A) = 16(0.05) = 0.8 fF
Therefore, the warst-case charge sharing is given by
_G(2vy  s(tavy

v =
G+ C 08+5

1.0V

This level is not possible at node V. Set V), = Vi — Vi = 0.73 LThe rest of
the charge remains at node X. The remaining charge is {5 fF}{1.2V)— 0.8 fF
{0.73 V) = 5.42 fC. This translates 1o a voltage of 1.08V at node X,

7.5.3 Duai-Rail {Differential} Domino Logic

A popular form of domino logic is called dual-rail or differential domino logic. It is
also known as differential cascode voltage switch (DCVS) logic. Since standard dom-
inc can only implement noninverting logic functions, the dual-rail approach has
been adopted by many microprocessor designers to overcome this limitation. The
basic structure is shown in Figure 7.32, Rather than having only one output node,
a complementary pair of logic outputs are generated. There are two precharge tran-
sistors that ferce the outputs low when CLX is low. When CLK goes high, either
OUT or OUT will go high, depending on the logic blocks, F and F, respectively. Of
course, both outputs cannot go high during the evaluate phase.
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Figure 7.32
Structure of dual-rail domino lagic.

An example of a dual-rail AND/NAND gate is shown in Figure 7.33. One side
of the gate implements the AND function while the opposite side implements the
NAND function.

This configuration has a number of problems similar to the standard domine
gate. The internal nodes are susceptible to charge sharing. Therefore, a pair of keeper
devices are needed to maintain high levels if the clock is high for a long period of
time. The keeper devices are shown in Figure 7.34. It is clear that the number of
devices needed to implement the gate has increased significantly from the modest
levels that we expected when first considering dynamic logic. Furthermore, the
power dissipation of these gates is much higher than the conventional CMOS gate
or the standard domino gate since one side will always be precharged high and then

Figure 7.33
Dual-rail domino ANDANAND funcdon.
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Figure 7,34
Duai-rail domino with keeper devices,

go low. This is a significant price to pay for the extra output. However, we should
note that not every logic gate requires a complement function. Only those functions
that explicitly require a complementary term would require the use of dual-rail
gates. The rest can be implemented as standard domino gates.

Example 7.9 Dual-Rail XOR/XNOR Domino Gate
Problem:

Design a dual-rail XOR/XNOR domino gate and share as many transistors as possi-
ble betwesn the true and complement logic blocks.

Solution:

¥op

o« g "y

-
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Precharge logic Posicharge logic
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Figure 7.35
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7.5.4 Self-Resetting Circuits

The routing of the clock to domino gates presents a problem to CAD tools and
introduces issues of delay and skew into the circuit design process. There are situa-
tions that permit the use of circuits that can automatically precharge themselves
(i.e., reset themselves) after a prescribed delay. These are called postcharge or self-
resetting logic circuits. They find applications where a small percentage of gates
switch in each cycle, such as memory decoders (described in Chapter 10). Here we
will examine the basic operation of these cizcuits.

Figure 7.35 shows the standard precharge configuration and the posicharge
configuration. In the domino case, the clock is used to operate the circuit. In the
self-resetting case, the output is fed back to the precharge control input and, after a
specified time delay, the pull-up is reactivated. The delay line is implemented as a
series of inverters. The signals that propagate through these circuits are pulses. The
width of the pulses must be controlled cavefully or else there may be contention
between NMOS and PMOS devices, or even worse, oscillations may occur. For
example, if A is high for more than twice the delay around the loap, the circuit will
oscillate. Therefore, special care must be taken to ensure correct timing.

7.6 Summary
Capacitive feedthrough and bootstrapping equation:

av, = 2%
o
Cr+ Cpg

g
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Charge-sharing equation:

(O + GV
C, +C,

V*

Large-signal resistance for CMOS transmission gate:
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PROBLEMS

P7.1. Compurte all the voltages at all the nodes for the pass transistor circnit of
Figure P7.1 including the body effect. Use 0.13 om technology parame-
ters. Assume that all nodes are initially at O V.

L2V

T T L

Figure P7.1
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P7.2. Provide a truth table that describes the functionality of each circuit in
Figure P7.2. (Note: In some cases, the output of the circuit may be high-
Z.) The symbol A’ refers to the complernent of A.
v
o
1
Voo
& i IA ouT
1 L
our
T T
A B
{8

Al B

1 L
T I

] o ouT
L 1
T T
= Al c
@©
)
Figure P7.2
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P7.3. (a} For the dynamic D-latch shown in Figure P7.3a, estimate the output
voltages for Q and Q given that the input is at Vj,;, when CLK goes
high (V). Assume that W = 200 nm and V,, = 1.8 V. Then, re-
compute the values when the CLK goes low. Include the effects of

clock feedthrough.
Yoo
CLK 2w
oo L o [
=¥pp Q —
W | e
W

Figure P7.3a

(b) Repeat part (a) for Figure P7.3b. Then, compute the worst-case
delay through the D-latch when the dock input goes high. Include
all capcitance. Assume W = 200 nm.

Vop

CLK
1 aw

W

Figure P7.3b

P7.4. Using transmission gates, design a circuit whose output is
{a}) Cut=A+ BC
(b} Cut= AB+ BC+C 7
(¢} Ou=TATBEC) +A4B |

@ ou=((a+B+C)+AE)

Then remove the transistors and switches that are not necessary.
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P7.5. What is the output of each of the circuits in Figure P7.5¢

CLK —

=

Figure P7.5 {a)

—
L
3 CLK —4
=

—d

ouT

ets:
A
R

{©)

P7.6. Design a domino circuit whose output is

P7.7.

{a) Cut=A + BC

(h) Cut=AB+ BC+C

() Out={A+B+C)+ AB

d) Out={((A+B+C) + A8)

‘What is the LE (logic effort) of each input signal of the circuits of Fig-
ure P7.7? (All transistors are minimum size, L = 2A and W= 24, unless

specified.)

Voo 4 B
41
ouT
T 7
A -3
Figure P7.7

=
8
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P7.8. For the circuit shown in Figure P7.8, assume that the transmission gates

are all 41:2)\ and that the inverters driving the transmission gates have
PMOS transistors that are 8A:2A, and NMOS transistors that are 4A:2A,
where A = 0.1 pm. The cutput inverter is to drive a 56 fF load. The out-
put inverter is ftimes larger than the input inverters.

sel

selB OUT

sel

Figure P7.8

P7.5.

{a) Write the expression for the output function in terms of A, B, sel,
and selB.

{b) Draw an equivalent RC circuit model for the path from A to C
assuming that the sef signal is high. Write down the individual con-
tributions for each resistance and capacitance and place the total
values at the appropriate nodes.

{c) Whatis the expression for the delay from A to C? Use Elmore delay
here.

{d) Write down the expression for the delsy through the output
inverter knowing that it is ftimes larger than the input inverters.
Use an RC delay here.

{e) Determine the optimal size of the output inverter to minimize the
total delay from A to OUT. That is, write the complete expression
for the delay and then derive the best value of fthat would produce
the smallest delay.

‘What is the logical effort of the circuits of Figure P7.9 (W, = 84, W), =
12A)t Consider the fall transition in each case.
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— —
- ﬁ . ﬁ
A - ﬂﬂ
—

(@) )

Figure P7.9

P7.10. In the circuit of Figure P7.10, determine the capacitance of each node
and calculate the minimum and maximum delay. (Al transistors are
minimum size, L = 24 and W = 2, unless otherwise specified.)

b-—— OLUT

Figure P7.10
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P7.11. The precharged circuit of Figure P7.11 is a 2-input AND gate. Draw the
waveforms at nodes F, X, and ¥ as a function of time. You can assume
short rise and fall times (i.e., you do not need to calculate themj, but the
final value in each phase must be correct. Only the capacitances shown
here need to be considered. All devices are minimum size. Both Fand ¥
start out unknown. Use 0.13 pm parameters.

1.2V

1.2

12
Phi [ leo] oo

A I
b [

X—00

= Y

Figure P7.11

P7.12. What is the effect of temperature on static and dynamic logic circuits in
terms of speed, power, and leakage current?

P7.13. Shown in Figure P7.13 is a dynamic logic gate in which the precharge
device has a WYL of 5, the n-channel devices are all 3, and the inverter is
a skewed inverter with a pull-up of 4 and a pull-down of 1 to reduce the
delay.

CLK %g

Figure P7.13
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(2) What input settings give you the worst-case charge sharing?
{b) What is the amount of charge sharing in the worst-case?

{c) Does this circuit fail in the worst-case charge sharing situation?
Explain.

P7.14, The two CMOS circuits in Figure P7.14 are intended to be simple
latches. Do these gates work as latches? Are there any problems with
using them as latches? Is one better than the other? Explain.

— = —
N
x|
lN——4| EN—]

OUT W oUT

Figure P7.14 _ (a (b}

P7.15, The circuit shown in Figure P7.15 is a bootstrapped inverter. It uses a
linear enhancement load, M,, with an addition transistor, M, to provide
gate drive to M. A bootstrapping capacitor, C,, is used 1o pull node X
up when the cutput is being pulled up. Answer the following guestions
in terms of the quantities Vi, Vi, Vip, Cy Cope and G,

{2) When the input is V5, what is the output voltage and the voltage at
node X?

{(b) When the input switches to a low voltage, what is the required value
of C, that allows the output to reach V57

Figure P7.15
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8.1 Introduction

Modern digital systems require the capability of storing and retrieving large
amounts of information at high speeds. Memories are circuits or systems that store
digital information in large quantity. This chapter addresses the analysis and design
of YLSI memories, commeonly known as semiconductor memaries. Today, memory
circuits come in different forms including SRAM, DRAM, ROM, EPROM,
E?PROM, Flash, and FRAM. While each form has a different cell design, the basic
structure, organization, and access mechanisms are largely the same. In this chap-
ter, we classify the different types of memory, examine the major subsystems, and
focus on the static RAM design issues. This topic is particularly suitable for our
study of CMOS digital design as it allows us to apply many of the concepts pre-
sented in earlier chapters.

Recent surveys indicate that roughly 30% of the worldwide semiconductor busi-
ness is due to memory chips. Over the years, technology advances have been driven
by memeory designs of higher and higher density. Electronic memory capacity in
digital systems ranges from fewer than 100 bits for a simpie function to standalone
chips containing 256 Mb (1 Mb = 2!° bits) or more.! Circuit designers usually

! Recently, a memory chip with 1 Gbit of data storage capacity has been announced.
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speak of memory capacities in terms of bits, since a separate flip-flop or other sim-
ilar circuit is used to store each bit. On the other hand, systern designers usually state
memory capacities in terms of bytes {8 bits}; each byte represents a single alphanu-
meric character. Very large scientific computing systems often have memory capac-
ity stated in terms of words (32 to 128 bits). Each byte or word is stored in a partic-
ular location that is identified by a unique numeric address. Memory storage
capacity is usually stated in units of kilobytes {K bytes) or megabytes (M bytes).
Because memory addressing is based on binary codes, capacities that are integral
powers of 2 are most common. Thus the convention is that, for example, 1K byte =
1,024 bytes and 64K bytes = 65,536 bytes. In most memory systems, only a single
byte or word at a single address is stored or retrieved during each cycle of memory
operation. Dual-port memories are also available that have the ability to read/write
two words in one cycle,

8.1.1 Memory Organization

The preferred organization for most large memories is shown in Figure 8.1, This
organization is a random-access architecture, The name is derived from the fact that
memory locations {addresses) can be accessed in ranndom order at a fixed rate, inde-
pendent of physical location, for reading or writing. The storage array, or core, is
made up of simple cell circuits arranged to share connections in horizontal rows
and vertical columns. The horizontal lines, which are driven only from outside the
storage array, are called wordlines, while the vertical lines, along which data flow into
and out of cells, are called bitlines,

A cell is accessed for reading or writing by selecting its row and colamn. Each
cell can store 0 or 1. Memories may simultaneously select 4, 8, 16, 32, or 64 columns

Celt array "CORE”*
1 2" 2® -
1 /
—
% — % //—Wcréliaes
= - &
' . 13 B cet
2 |
& & ; |~ Bitlines
— . By
- : L
2@ H 2w
Colume decoder/MUX /.q——’-
- -
? T T Dara
1 ]

Columa address

Figure 8.1
Organization of memory systems.
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in one row depending on the application. The row and column {or group of
columns) to be selected are determined by decoding binary address information.
For example, an »-bit decoder for row selection, as shown in Figure 8.1, has 2% out-
put lines, a different one of which is enabled for each different #-bit input code. The
column decoder takes m inputs and produces 2™ bitline access signals, of which
1, 4, 8,16, 32, or 64 may be enabled at one time. The bit selection is done using a
multiplexer circuit to direct the corresponding cell outputs to data registers. In
total, 2" X 2" cells are stored in the core array.

An gverall architecture of a 64 Kb random-access memory is shown in Figure
8.2. For this example, n = m = 8. Therefore, the core array has a total of 65,536
cells. The memory uses a 16-bit address to produce a single bit output.

Memory cell circuits can be implemented in a wide variety of ways. In princi-
ple, the cells can be based on the flip-flop designs listed in Chapter 5 since their
intended function is to store bits of data. However, these flip-flops require a sub-
stantial amount of area and are not appropriate when millions of cells are needed.

, 2m=254 |
Row decoder ! —— 1 S S :
’ <C []}" '{‘ ;_l:_l‘li Column pult-ups
D D Wordline m\ ----------------
Bitline N

Mo 256
,/
7
d/)l

- gy -

Adldress o -

input am
- _C[:gF _{:‘j;_ —4\'1‘::"— —& J— Column MUX
m=§ ] 7

Column
decoder

1
i Sense amplifier
A |— Sense en
Read/write —w-|

|— Write en

Read/write Write driver
control

Datain Data out

Figure 8.2
Gverall architecture of memeory design.
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In fact, most memory cell circuits are greatly simplified compared to register and
flip-flop circuits. While the data storage function is preserved, other properties
including quantization of amplitudes, regeneration of logic levels, input-output iso-
lation, and fanout drive capability may be sacrificed for cell simplicity. In this way,
the number of devices in 2 single cell can be reduced to one to six transistors. Fig-
ure 8.2 jllustrates a six-transistor memory cell.

At the level of a memory chip shown in Figure 8.2, the desired logic properties
are recovered through use of properly designed peripheral circufis. Circuits in this
category are the decoders, sense amplifiers, column precharge, data buffers, etc.
These circuits are designed so that they may be shared among many memory cells.
Read-write (R/W) circuits determine whether data are being retrieved or stored,
and they perform any necessary amplification, buffering, and trandation of voltage
levels, Specific examples are presented in the following sections.

8.1.2 Tvpes of Memory

Read-write random-access memories (RAM) may store information in flip-flop
style circuits, or simply as charge on capacitors. Approximaizely equal delays are
encountered in reading or writing data. Because read-write memories store data in
active circuits, they are volatile; that is, stored information is lost if the power sup-
ply is interrupted. The natural abbreviation for read-write memory would be
RWh. However, pronunciation of this acronym is difficult. Instead, the term RAM
is commonly nsed to refer to read-write random-access memories. If the terms were
consistent, both read-only (see below) and read-write memories would be called
RAMS,

The two most commeon types of RAMs are the static RAM (SRAM) and the
dynamic RAM {DRAM}, The static and dynamic definitions are based on the same
concepts as those introduced in earlier chapters. Static RAMs hold the stored value
in flip-flep circuits as long as the power is on. SRAMs tend to be high-speed mem-
ories with clock cycles in the range of 5 to 50 ns. Dynamic RAMSs store values on
capacitors. They are prone to noise and leakage problems, and are slower than
SRAMS, clocking at 50 ns to 200 ns. However, DRAMS are much more dense than
SRAMs—ap to four times more dense in a given generation of technology.

Read-only memories {ROMs} store information according to the presence or
absence of transistors joining rows to columns. ROMs also employ the organization
shown in Figure 8.1 and have read speeds comparable to those for read-write mem-
ories. All ROMs are nonvolatile, but they vary in the method used to enter (write)
stored data. The simplest form of ROM is programmed when it is manufactured by
formation of physical patterns on the chip; subsequent changes of stored data are
impossible. These are termed mask-programmed ROMs. In contrast, programmable
read-only memories (PROMs) have a data path present between every row and col-
umn when manufactured, corresponding to a stored 1 in every data position. Stor-
age cells are selectively switched to the 0 state once after manufacture by applying
appropriate electrical pulses to selectively open (blow out) row-column data paths.
Once pregrammed, or blown, a 0 cannot be changed back to a 1.
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Erasable programmable read-only memories (EPROMs) alse have all bits ini-
tially in one binary state. They are programmed electrically {simifar to the PROM),
but all bits may be erased (returned to the initial state} by exposure to ultraviolet
(UV} light. The packages for these components have transparent windows over the
chip to permit the UV irradiation. Electrically erasable programmable read-only
memories (EEPROMSs, E*PROM, or E-squared PROMS) may be written and erased
by electrical means. These are the most advanced and most expensive form of
PROM. Unlike EPROMS, which must be totally erased and rewritten to change even
a single bit, E’PROMSs may be selectively erased. Writing and erasing operations for
all PROMs require times ranging from microseconds to milliseconds. However, all
PROMs retain stored data when power is turned off; thus they are termed non-
volatile.

A recent form of EPROM and E2PROM is termed Flash memory, a name derived
from the fact that blocks of memory may be erased simultaneously. Flash memory
of the EPROM form is written using the hot-electron effect? whereas E?PROM
Flash is written using Fowler-Nordheim (FN) tunneling.® Both types are erased
using FN tunneling. Their large storage capacity has made this an emerging mass
storage medium, In addition, these types of memories are beginning to replace the
role of ROMs on many chips, although additional processing is required to manu-
facture Flash memories in a standard CMOS technology.

Memories based on ferroelectric materials, so-called FRAM: or FeRAMSs, can
also be designed to retain stored information when power is off. The Perovskite crys-
tal material used in the memory cells of this type of RAM can be polarized in one
direction or the other to store the desired value. The polarization is retained even
when the power supply is removed, thereby creating a nonvolatile memory. How-
ever, semiconductor memories are preferred over ferroelectric memories for most
applications because of their advantages in cost, operating speed, and physical size.
Recently, FRAMs have been shown to be useful nonvolatile memory in certain
applications such as smart cards and may be more attractive in the future due to
their extremely high storage density.

8.1.3 Memory Timing Parameters

The timing signals of random-access memories are illustrated in Figure 8.3. At a
high level, the main inputs are the (s + n1)-bit address, the k-bit input data, and the
read/write signal (write operations are active low in this example}. The output is the
k-bit value that was stored in the memory location associated with the (# -+ #1)-bit
address. The read access time, &y, is the delay from presentation of an address until
data stored at that address are available at the output. Maximum read access fime is
an important parameter, and it should not exceed the memory cycle time since

*Hot electrons are created by applying 2 high Beld in the channel region, These electrons enter the oxide and
raise the threshold veltage of a device. Devices with this higher threshold valtage are viewed as  stored ©1”
Devices with the lower threshold voltage represent a stored <0,

3 Fowler-Nordheim tunneling occurs through thin insulating material such as thin-oxide associated with the
gate. Current flows through the axide by tunneling through the energy barrier.
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Figure 8.3
Randorm access memory timing parameters.

there are write setup operations needed before each memory operation, indicated
bY #isetup+ The memory clock cycle time, £y, is the minimum time needed to com-
plete successive read or write operations.

The cycle time is essentially the reciprocal of the time rate at which address
information is changed while reading or writing at random locations. Minimum
access times for reading and writing are not necessarily the same, but for simplicity
of design, most systems specify a single time for both reading and writing. For semi-
conductor read-write memories, the read access time is typically 50 to 80% of cycle

time.

8.2 MOS Decoders

The row and column decoders identified in Figure 8.1 are essential elements in all
random-access memories. Access time and power consumption of memories may
be largely determined by decoder design. Similar designs are used in read-only and
read-write applications. Row decoders take an n-bit address and produce 2" out-
puts, one of which is activated. Obviously, the one that is activated depends directly
on the address applied to the memory. Figure 8.4 shows two forms of decoders:
AND and NOR decoders. The decader can be implemented using AND gates or
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Figure 8.4
AND and NOR decoders,

NOR gates that take every possible combination of the inputs. There are two
address bits in this example and we require both the true and complement of each
address bit. The output line activated by each input combination is shown in the
fignre. Note that all outputs are normally low except one.

An #-bit decoder requires 2% logic gates, each with »n inputs. For example, with
n = 6, we need 64 NANDG gates driving 64 inverters to implement the decoder.
From previous chapters, it is clear that gates with more than 3 or 4 inputs create
large series resistances and long delays. Rather than using n-input gates, it is prefer-
able to use a cascade of gates. Typically two stages are used: a predecode stage and a
final decode stage. The predecode stage generates intermediate signals that are used
by multiple gates in the final decode stage. In Figure 8.5, schematics are shown for
two possible alternatives to implement a 8-input AND gate. We could choose three
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Figure 8.5
Predeccder configurations.

NAND?2 gates and one NAND3 gate to implement each ANDé gate, as shown in
Figure 8.5a. Alternatively, two NAND3 gates and one NAND?2 gate of Figure 8.5b
may be used. The better of the two can be determined using logical effort.

The main advantage of two-level decoding is that a large number of intermedi-
ate signals can be generated by the predecode stage and then reused by the final
decoding stage. The result is a reduction in the number of inputs for each gate. Since
this aspect is not clearly depicted in Figure 8.5, a more complete example for 6
address bits is shown in Figure 8.6. In the predecoder, a total of 12 intermediate sig-
nals are generated from the address bits and their complements. The signals that are
generated in the predecoder are as follows: AjA,, AjA), Apdp, Aghy, AAs, AA,, ete.
These signals may now be used by the final decoding stage to generate the 64
reguired outputs using NAND3/inverter combinations. This corresponds to the
configuration shown in Figure 8.5a. Fach predecoder output drives 16 NAND gates
{i.e., 64 NAND3 gates X 3 inputs each / 12 intermediate outputs}. Therefore, the
branching effort BE= 16. The delay through the NAND2-inverter-NAND3-
inverter stages can be minimized by sizing the gates using logical effort. A similar
kind of two-level decoder can be constructed using the configuration of Figure 8.5b.
Again, the better of the two approaches can be determined using logical effort. It is
important to minimize the delay through the decoder as it may constitute up to
40% of the clock cycle.
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Figure 8.6
Structure of twa-level decoder for &-bit address.

<]

Decoder Sizing Using Logical Effort Techniques Example 8.1
Problem:

Size the decoder of Figure 8.6 using FO4 rules assuming that the normalized out-
put loading is 1. FO4 rules imply that the optimal stage effort Is equal 1o 4.

LE X BE X Cop

Foreach stage, G, = 2

Solution;

Work backwards from the output to the input, taking into account logical effort
and branching effort of each stage. First, the normalized output has a size of 1.
Therefore, the inverter input capacitance is 1/4 using FO4 sizing rules. The L£ of the
NAND3 gate is 5/3. Therefere, its input capacitance is (5/3)/4%. The branching effort
at the output of the predecode stage is 16. Therefore, the input capacitance of the
inverter is (16H5/3)/43. Finally, the NAND2Z gate has an input capacitance of
(16)(4/3}5/3)/41.
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575047
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8.3 Static RAM Cell Design

Memories are said to be static if no periodic clock signals are required to retain
stored data indefinitely. Memory cells in these circuits have a direct path to Vp,or
Gnd or both, Read-write memory cell arrays based on flip-flop <ircuits are com-
monly referred to as static RAMs or SRAMSs. The design issues for static memory
cells are described in this section.

8.3.1 Static Memory Operation

The basic static RAM cell is shown in Figure 8.7a. It consists of two cross-coupled
inverters and two access transistors. The access transistors are connected to the
wordline at their respective gate terminals, and the bitlines at their source/drain tez-
minals. The wordline is used to select the cell while the bitlines are used to perform
read or write operations on the cell. Internally, the cell holds the stored value on one
side and its complement on the other side. For reference purposes, assume that
node g holds the stored value while node 7 holds its complement. The two comple-
mentary bitlines are nsed to improve speed and noise rejection properties, as
described later in this chapter.

The VTC of cross-coupled inverters is shown in Figure 8.7b. This type of VIC
was already described in Chapter 4 on single source noise margins, and in Chapter 3

Dell Ex. 1038
Page 277



SEMICONDUCTOR MEMORY DESIGN 369

i g 1
Wordline ) i Stored @
l l Inverter 2
4 q Stored 1
Bidine Bitline Vor Vs Vor 4
@ (o}

Figure 8.7
Basic SRAM cell and VTC,

on flip-flops. The VIC conveys the key cell design considerations for read and write
operations. In the cross-coupled configuration, the stored values are represented by
the two stable states in the VTC, The cell will retain its current state until one of the
internal nodes crosses the switching threshold, V. When this occurs, the cell will
flip its internal state. Therefore, during a read operation, we must not disturb its
current state, while during the write operation we must force the internal voltage to
swing past Vs to change the state.

The six transistor (6T) static memory cell in CMOS technology is illustrated
schematically in Figure 8.8. The cross-coupled inverters, M, M, and M,, M, act as
the storage element. Major design effort is directed at minimizing the cell area and
power consumption so that millions of cells can be placed on a chip. The steady-
state power consumption of the cell is controlled by subthreshold leakage currents,
so a larger threshold voltage is often used in memory circuits. To reduce area, the
cell layout is highly optimized to eliminate all wasted area. In fact, some desigas
replace the load devices, A and M, with resistors formed in undoped polysilicon.

Wordline

Figure 8.8
&T SRAM cell,
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Figure 8.9
Wordline and double bitline configuration.

This is called a 4T cell since there are now only four transistors in the cell. To min-
imize power, the current through the resistors can be made extremely small by using
very large pull-up resistances. Sheet resistance of these resistors is 10 M2 per square
or higher and the area is minimal. Standby currents are kept in the nanoampere
range. Thus, power and area may be reduced at the expense of extra processing
complexity to form the undoped polysilicon resistors. However, the majority of the
designs teday use the conventional 6T configuration of Figure 8.8.

The operation of an array of these cells is illustrated in Figure 8.9, The row
select lines, or wordlines, run horizontally. All cells connected to a given wordline
are accessed for reading or writing. The cells are connected vertically to the bitlines
using the pair of access devices to provide a switchable path for data into and out of
the cell. Two columm lines, band b, provide a differential data path. In principal, it
should be possible to achieve all memory functions using only one columm line and
one access device. Attempts have been made in this direction, but due to normal
variations in device parameters and operating conditions, it is difficuit to obtain
reliable operation at full speed using a single access line. Therefore, the symmetri-
cal data paths band b as shown in Figure 8.9 are almost always used.

Row selection in CMOS memory is accomplished using the decoders described
in the previous section. For synchronous memories, a clock signal is used in con-
junction with the decoder to activate a row only when read-write operations are
being performed. At other times, all wordlines are kept low. When one wordline goes
high, say wi3 in Figure 8.9, all the cells in that row are selected. The access transistors
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are all turned on and a read or write operation is performed. Cells in other rows are
effectively disconnected from their respective wordlines.

The wordline has a large capacitance, C_;, that must be driven by the decoder,
It is comprised of two gate capacitances per cell and the wire capacitance per cell:

Cuord = {2 X gate cap + wire cap) ¥ no, of cells in row (8.1)

Once the cells along the wordline are enabled, read or write operations are carried
out. For a read operation, only one side of the cell draws current. As a result, a small
differential voltage develops between & and & on all column lines. The column
address decoder and multiplexer select the column lines to be accessed. The bitlines
will experience a voltage difference as the selected cells discharge one of the two bit-
lines. This difference is amplified and sent to output buffers,

It should be noted that the bitlines also have a very large capacitance due to the
large number of cells connected to them. This is primarily due to source/drain
capacitance, but also has components due to wire capacitance and drain/source
contacts. Typically, a contact is shared between two cells. The total bitline capaci-
tance, G, can be computed as follows:

Cyiy = (source/drain cap + wire cap + contact cap) X no, of cells in column
(8.2)

During & write operation, one of the bitlines is pulled low if we want to store G,
while the other one is pulled low if we want to store 1. The requirement for a suc-
cessful write operation is to swing the internal voltage of the cell past the switching
threshold of the corresponding inverter. Once the cell has flipped to the other state,
the wordline can be reset back to its low value,

The design of the cell involves the selection of transistor sizes for all six transis-
tors of Figure 8.8 to guarantee proper read and write operations. Since the cell is
symmetric, only three transistor sizes need to be specified, either M, M, and M, or
M,, M,, and M. The goal is to select the sizes that minimize the area, deliver the
required performance, obtain good read and write stability, provide good cell read
current, and have good soft error immunity {especially due to a-particles).

8.3.2 Read Operation

We now describe the design details of the 6T RAM cell for the read operation using
Figure 8.10. Assume that & “0” is stored on the left side of the cell, and a “1” on the
right side. Therefore, M, is on and A, is off. Initially, b and b are precharged to a
high voltage around Vp, by a pair of column pull-up transistors (not shown). The
row selection line, held low in the standby state, is raised to Vi, which turns on
access transistors M, and M,. Current begins to flow through M, and M, to ground,
as shown in Figure 8.10a. The resulting cell current slowly discharges the capaci-
tance ;.. Meanwhile, on the other side of the cell, the voltage on & remains high since
there is no path to ground through M,. The difference between band bis fed to a
sense amplifier to generate a valid low output, which is then stored in a data buffer.
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Voo

Figure 8.10
Design of transistor sizes for read operation.

Upon completion of the read cycle, the wordline is returned to zero and the column
lines can be precharged back to a high value, .

‘When designing the transistor sizes for read stability, we must ensure that the
stored values are not disturbed during the read cycle. The problem is that, as cur-
rent flows through M, and M), it raises the output voltage at node g which could
turn on M, and bring down the voltage at node g, as shown in Figure 8.10b. The
voltage at node g may drop a little but it should not fall below V. To avoid altering
the state of the cell when reading, we must control the voltage at node g by sizing
M, and M, appropriately. We can accomplish this by making the conductance of M,
about 3 to 4 times that of M so that the drain voltage of M, does not rise above Vi
In theory, the voltage should not exceed Vi, but this design must be carried out with
due consideration of process variations and noise. In effect, the read stability
requirement establishes the ratio between the two devices.

The other consideration in the read cycle design is to provide enough cell cur-
rent to discharge the bitline sufficiently within 20 to 30% of the cycle time. Since the
cell current, I, is very small and the bitline capacitance is large, the voltage will
drop very slowly at b, as shown In Figure 8.10b, The rate of change of the bitline can
be approximated as follows:
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av

La = CbitE
_av _ La
Cdt Gy

Clearly, I controls the rate at which the bitline discharges. If we want a rapid full-
swing discharge, we can make I large. However, the transistors 3, and M would
have 1o be larger. Since we have millions of such cells, the area and power of the
memory would be correspondingly larger. Instead, we choose a different approach.
We attach a sense amplifier to the bitlines to detect the small difference, AY,
between band band produce a full-swing logic high or low value at the output, The
trigger point relative to the rising edge of the werdline, A7, for the enabling of the
sense amplifier can be chosen by the designer based on the response characteristics
of the amplifier. If the voltage swing AV and a target delay A~ are specified accord-
ing to Figure 8.10b, then

CbEtA vV
ICE" = 1’17

This leads to the cell current value which, in turn, determines the final transistor
sizes for M, and M,. Alternatively, if the transistor sizes are determined to optimize
the cell area, then the corresponding delay is computed as

_ GuAV

Ar
jl-ca{l

We now establish a rule of thumb for transistor sizes for the read cycle using an
example.

Read Cycle Design Guidelines
Problem:

Compute the widths of M, and M, in Figure 8.10 given that the circuit can only tol-
erate a rise in voltage of 0.1 V at node g during the read operation. Assume that
Gy = 2 pF and that the specification cals for a 200 mV transition of the bitline in
2ns, Use 0.13 pm technology parameters,

Solution:

When the wordline, wf, goes high, M; is a saturated enhancemeni load for the M,
driver. The driver transistor is expected to be in the linear region of operation.
Therefore, we can write the following equation:

ﬁ fon Cox {{V — VW, — *f_g _ WavCod Voo — Vg — VY
Ly ( v ) oo Frte (Voo — ¥V, — Via} + Egds

a
14—
Eends

Example 8.2
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We first eliminate C,, from both sides of the equation. Now, setting ¥, = 0.1 Vand
ignoring body effect, we cbtain

(270 e’ )
w. V- 0.1
! ¢/ 02— 04y - 20
0.1 pm ( 0.1) | 2
14—
06

_ Wy(8 X 10° em/s)(1.2 — 0.1 — 04)°
B (12 —-0.1—04) + 06

This ratio would be smaller if body effect were taken into account. The actual val-
ues of the widths depend on the desired rate of change of the bitline voltage, the
delay specification, and cefl current. If we require a bitline transition of 200 mV in
2 ns, with a total bitline capacitance of 2 pF, then the cell current is

AV 200 my
== =2pF X —
Az P 2Zns
This Is the average cell current through M, and M,. As a rough estimate, we could
simply use the current through the access transistor when it turns on:

_ Wi(8 X 10%)(1.6pF/cm?®) (12 — 0.1 — 0.4)2
el (12— 01 —04) + 06

fean = G X = 200 pA

= 200 pA

. W3 =04 mm

This implies that W, =0.7 um. These two sizes are larger than we would desire if we
were trying to create a 1 Mbit SRAM. However, this example Is Intended to show
the steps in the design process.

m

In practice, the device sizes are controlled by the RAM cell area constraints. Asarule
of thumb, we typically use

W,
w, ™ 1.5 (8.3)

and then optimize the sizes to provide the proper noise margin characteristics.

8.3.3 Write Operation

The operation of writing 0 or 1 is accomplished by forcing one bitline, either bor b,
low while the other bitline remains at about Vpp,. In Figure 8.11, to write 1, b is
forced low, and to write 0, b is forced low. The conditions when writing 1 are illns-
trated in Figure 8.11a. The cell must be designed such that the conductance of
is several times larger than M so that the drain of M, is pulled below V. This ini-
tiates a regenerative effect between the two inverters. Eventually, M, turns off and
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(e}

Figure 8.11
Write operation and waveforms for 5T SRAM.

its drain voltage rises to Vi, due to the pull-up action of M, and M,. At the same
time, M, turns on and assists M, in pulling output 7 to its intended low value. When
the cell finally flips to the new state, the row line can be returned to its low standby
level.

The design of the SRAM cell for a proper write operation involves the transis-
tor pair M,-M,. As shown in Figure 8.11a, when the cell is first turned on for the
werite operation, they form a pseudo-NMOS inverter. Current flows through the two
devices and lowers the voltage at node § from its starting value of Vy5,. The design
of device sizes is based on puiling node 7 below V; to force the cell to switch via the
regenerative action. This switching process is shown in Figure 8.11b. Note that the
bitline b is pulled low before the wordline goes up. This is to reduce the overall delay
since the bitline will take some time to discharge due to its high capacitance.

The pull-up to pull-down ratio for the pseudo-NMOS inverter can be deter-
mined by writing the current equation for the two devices and setting the output to
V. To be conservative, a value much lower than V; should be used to ensure proper
operation in the presence of noise and process variations. Based on this analysis, a
rule of thumb is established for M,-M, sizing

A

W, =~ 1.5 (8.4
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The two ratios provided in Equations (8.3) and (8.4) are only estimates. One should
remember that the actual values will depend on & number of factors such as area,
speed, and power considerations. However, these two rules of thumb can be used to
validate the solution, once obtained.

g Exercise 8.1 Compute the ratio of M, to M, for the circuit In Figure 8.11 assuming that the
P node § is to be pulled down to Vy,, which is well below the switching threshold.

8.3.4 SRAM Cell Layout

Once the cell transistors are designed, the next step is to construct a cell layout. A
typical layout for a CMOS static cell is shown in Figure 8.12. Every effort is made to
minimize the area of the memory cell. Extensive use is made of symmetry to allow
the core array to be generated by simply “tiling” the cells together vertically and hor-
izontaily. Two levels of metal and one layer of poly are used to realize this memory
cell. If we examine the layout carefully, we should be able to identify a total of six
transistors.

Starting at the top, we have the two p-channel devices, A, and M, laid out hor-
izontally. In the middle of the cell, we have M; and M, which are the two pull-down
transistors laid out horizontally. Finally, near the bottom of the cell are the two
access transisiors, M, and M,, laid out vertically. The bitlines, b and b, are routed in
Metal?2 vertically, while the wordline is horizontally routed in both poly and Metall

Figure 8.12
SRAM celi layout.
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near the bottom of the cell. Vy, is routed in Metall at the top of the cell while Gad
is routed in Metall near the middle of the cell. The source/drain contacts are shared
between pairs of neighboring cells by mirroring the cell vertically, The capacitance
of the contacts per cell is therefore half the actual value due to sharing. The cell indi-
cated by the center bounding box is replicated to create the core array. This cell is
approximately 404 by 30A. Note that the substrate and well contacts are contained
inside the cell. Removal of substrate and well plugs from the cell would result in a
smaller cell. ’

The large number of devices connected to the wordline and bitlines gives rise
to large capacitance {and resistance) values as described earlier. The row lines are
routed in both Metall and poly to reduce resistance, while the bitlines are routed in
Metal2. Calenlations of total capacitance may be carried out using Equations (8.1}
and (8.2}

Capacitance Calculations for the Wordline and Bitlines
Problem:

What is the capacitance of the wordline and the bitlines for a 64K SRAM that uses
the celi layout of Figure 8.12 with access transistors that are 0.5 um/0.1 pm in size?
The contacts on the bitlines are shared between pairs of cells and have a capaci-
tance of 0.5 fF each. Wire capacitance is 0.2 fF/um. Assume 0.13 gm technology
paramaters. The cell laycut is 404 by 30A. Note that Tum = 204,

Solution:

If we were to design a 64K SRAM, it would contain a core area of 256 X 256.
Ignoring the resistance for the moment, the row capacitance would be due to the
gate capacitance of 512 access transistors and the wire capacitance of 256 cells:

C

WOl

= 512 X 2 fF/um X 0.5 gm + 256 X 304 X 0.2 FF/um X T um/20A
= 583 fF

The bitline capacitance per cell due to the source/drain capacitance of the access
transistors is lower than usual since the voltage drop across the junction isdose to
Vp- In addition, there is wire capacitance and a half contact capacitance per cell.
The total is

Gy =256 X 0.5 fF/m X 0.5 wm + 256 X 40% X 0.2 fF/am X 0.1 pm/2A
+ 128 X 0.5 fF = 230 FF

8.4 SRAM Column O Circuitry

In this section, we examine the column input/output {I/O) circuitry, which includes
bitline precharge circuits, column multiplexers, write circuits, and read circuits, The
column IO must be designed with due consideration of the cell design and the tim-
ing specifications of the memory.

Example 8.3
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8.4.1 Column Pull-Ups

In both read and write operations, the bitlines are initially pulled up to a high volt-
age near Vpp. The circnits used to precharge the bitlines depend on the type of sens-
ing that is used in the read operation. Figure 8.13 illustrates three possible precharge
configurations. In Figure 8.13a, the precharge is similar to the dynamic logic
precharge described earlier in Chapter 7. A precharge signal, PC, is applied to the
two pull-ups and to a third transistor, called the balance transistor, connected between
the two bitlines to equalize their voltage levels. When the wordline {w) signal goes
high, one bitline remains high and the other falls at a linear rate until wi goes low.
The difference between the bitlines is fed into a voltage-sensing latch-based ampli-
fier that is triggered when the differential voltage exceeds a certain threshold.

The precharge circuit of Figure 8.13b is reminiscent of the pseudo-NMOS cir-
cuits. Two static loads and a balance transistor form the precharge circuit. When PC
is applied to the balance transistor, it simply equalizes the two voltage levels. Once
the bitlines are precharged, the PC signal is turned off {raised to Vpp) and, at this
point, the wordline can be activated. Of course, the pull-ups are still on so current
will flow through one of them and into the cell side with the stored “0.” Eventually,
a steady-state output level will be reached by the bitline, as shown in the figure. This
type of pull-up is suitable for current-sensing amplifiers since there is continuous

P
1 Important to /i

C
i equalize bitline

[ voltage before |

reads
wi wi |T_[JC£H wl

.
- .
. .

- e

bl el WG

B b b 5 b b
b b b5 -
l b b Voo
PC ?C! / Vop—
l/wl\ wi T.&v PC w oo~ Vin
@ ib}
Figure 8.13
Column pull-up configurations,
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current flow, or latch-based voltage-sensing amplifiers since the bitlines will estab-
fish a differential voltage, Av,

Figure 8.13¢ is based on the NMOS saturated enhancement load. Therefore, the
maximum possible voltage on the bitline is Vp, — V. When PC is applied to the
balance transistor, it equalizes the two voltage levels. Once the lines are precharged
high, the PC signal is turned off {raised to V) and then wi goes high, At this point,
the pull-ups are still active so current will flow through one of them into the cell
side with the stored “0.” Again, a steady-state output level will be reached by the cor-
responding bitline, as shown in the figure, although this value will be lower than the
pseudo-NMOS case. This type of pull-up is suitable for differential voltage sensing
amplifiers since the bitline voltages initially start at ¥V, — V. This lower voltage
is needed for a proper biasing and output swing of the differential ampiifier, as will
be described later.

The PC signal may be generated in a variety of ways, but typically it is produced
by an address transition detection {ATD) circuit. One form of this circnit is shown in
Figure 8.14. The ATD signal is triggered by any transition on the address inputs, The
basic circuit is comprised of a set of XOR gates, each with a delay element on one of
the inputs. When an address line changes, it causes the XOR gate to generate a short
pulse since the inputs differ in value for a short time. Circuits that generate a short
pulse of this nature are called one-shots, which are part of the mongséable family of cir-
cuits. The duration of the pulse, 75, 15 determined by the delay element. The delay Hine
muay be constructed from a simple inverter chain with zn even number of inverters. In
the figure, N'is an even number and 7, Is the inverter propagation delay.

r
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0 N I S W

Tp= Niggy

)
Figure 8,14

Address transition detection (ATD} circult.
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Once the pulse is generated, it turns on one of the pull-down transistors of the
pseudo-NMOS NOR gate. A negative going pulse is generated at its output. This is
passed through another inverter to generate the actual ATD signal. Many of the tim-
ing signals in SRAMs are derived from this basic circuit so it is required to drive a
very high capacitance. Therefore, the signal should be properly buffered using logi-
cal effort or any other optimization method, Once generated, it can be inverted and
applied to the bitline precharge elements as the PC signal. The address transitions
usually take place before the beginning of a clock cycle and, as a result, the precharge
operation typically occurs at the end of a previcus memory cycle,

8.4.2 Column Selection

Once all the columns have been pulled up to a high voltage, the next step is to select
the colummn(s) that will be involved in the read or write operation. This column
selection is performed using a decoder/multiplexer combination. The m-bit column
address is used to select one or more of the 2™ columns. This can be performed
using a decoder, similar to the row decoder, driving a number of CMOS pass tran-
sistors as shown in Figure 8,15, The pass transistors require complementary signals.
Of course, if an 8-bit output is desired, then the decoder outputs would each drive
eight CMOS transmission gates, and fewer columm address bits would be needed,

L G 1 = L - e |
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Figure 8.15
Column decoding and multiplexing.
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Figure 8.16

Column selection,

The optimal design of the column decoder proceeds in the same way as described
earlier for the row decoder. The transmission gates driven by the decoder are also
sized for optimal speed. They are connected to the sense amplifier for read opera-
tions and the write driver for write operations. This is shown in Figure 8.16a. Note
that the use of the CMOS transmission gate presents a ronting problem since each
of the signals driving the pass transistors must be complementary (we are driving
both PMOS and NMOS devices).

The routing can be simplified by realizing that the PMOS device is beiter at
transmitting high signals while the NMOS device is better at fransmitting low signals.
Since the bitlines are near Vp, during a read, we should turn on the PMOS device
during a read operation and leave the NMOS device off. During a write, one bitline is
pulied to a low voltage. Therefore, we leave the PMOS device off and only turn on the
NMOS device. It is possible to separate the NMOS and PMOS devices and only turn
them on when needed. This is shown in Figure 8.16b. The NMOS devices are only
connected to the write drivers while the PMOS devices are only connected to the sense
amplifiers since they would be turned on during a read operation.

Now that the lines have been separated, there is one other improvement we ¢can
consider. Rather than a single level of multiplexing, it is possible to reduce the over-
all transistor count by using a tree decoding structure as shown in Figure 8.17. In
this example, we have a 4-bit column address which would normally translate to 16
enable lines. Instead, we use two 2-to-4 decoders that select 1-out-of-4 pass transis-
tors at each level. As we add more levels in the tree, the signal path is slower but the
decoder size is reduced. For this exampie, we have shown two-level tree decoding

I
|
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driver
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Figure 8.17
Two-evel tree decoder for 2 4-bit column address.

with exclusively NMOS pass transistors. We would need a corresponding set of
PMOS transistors in a similar tree configuration. The tree decoding strategy requires
less power but may be slower as more and more levels are added. These circuits
should be designed based on the timing and power specifications for the memory.

8.4.3 Write Circuitry

Simplified write circuitry for the SRAM is shown in Figure 8.18. The operation isas
follows. First, the columns are precharged to Vpp, using M; and M, Next, the
address and data signals are set up and held stable for a required amount of time
before the clock is applied. The address signals are converted into column select and
wordline activation signals. Before the wordline is enabled, the data and write sig-
nials are applied to pull one column to ground while leaving the other side at Vpp,.
This is done by ANDing the input data with the write signal. The pull-down tran-
sistors, M, 3, M,, and M, in this case, are sized to discharge the column line in a
specified amount of time. When the wordline goes high, current flows out of the cell
and flips the sense of the cell. As described eatlier, the internal cell voltage must be
pulled below the switching threshold to enable the cell fo flip state. Once it has
switched, the wordline and column select lines may be returned to their standby
values.

8.4.4 Read Circuitry

The read circuitry is activated when the wordline goes high. The cell transistors
draw current from the highly capacitive column during a read operation. Therefore,
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Figure 8.18
Write driver circuit

the bitlines slowly drop in voltage and could potentially cause long access times. To
reduce read access time, the memory is designed so that only a small voltage change
on one column line or the other is needed to detect the stored value, Two or more
amplifying stages are used to generate a valid logic output when the voltage differ-
ence between b and & is about 150-200 mV. Thus the column delay is only due to
the time needed to achieve this small voltage change.

Figure 8.19 shows a simplified version of the read circuitry for a CMOS static
memory. One of the precharge circuits of Figure 8.13 is used to pull the column
lines high. In this case, the columns are biased at V};, by transistors M, M,. Then,
the address, data (not used during read), and clock signals are applied. Again, the
address signals translate into column enable and wordline activation signals. Usu-
ally the column selection and sense enable are activated at the same time. The sense
amplifier depicted in Figure 8.19 is used to provide valid high and low outputs using
the small voltage difference between inputs b and &. The precharge circuit must be
consistent with the sense amplifier circuit. Otherwise, the sense amplifier may not
operate properly.

383
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Basic read circuitry.

Figure 8.20 provides an example of a sense amplifier in the form of a conven-
tional CMOS differential amplifier.? Typically, SRAMs may use eight identical sense
amplifiers to provide simultaneous cutput of eight data bits. When using these
types of sense amplifiers, the column puil-up transistors must be saturated
enhancement loads (shown at the top of Figure 8.13c}. Otherwise, the inputs would
start at Vp, which would make it difficult to bias M, and M; properly for the desired
output swing at node out.

The main reason for using this type of sense amplifier is to improve the noise
irnmunity and speed of the read circuit. Since the voltage swing on the bitlines is
limited due to the large capacitances, any noise on these lines may cause an error in
the reading process. In fact, any noise that is cormmon to b and # should not be
amplified. We are only interested in the differential signal changes between the two
bitlines. The sense amplifier shown in Figure 8.20 attenuates common-mode noise
and amplifies differential-mode signals, The detailed operation of this circuit
involves the concepts of analog circuit design. However, since we are using it for

4 These are called sense amplifiers when used in memory applications: their zole is to sense which bitline is
dropping in voltage, Normally, such a circnit is used for smxall-signal voltage gain rather than large-signal sens-
ing applications,
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Figure 8.20
Differential voltage sense ampiifier,

large-signal applications, w2 can study its properties from a more digital point of
view.

The circuit can be divided into three components: the current mirror, common-
source amplifier, and the biasing current source. All transistors are initially placed
in the saturation region of operation so that the gain is large. They alsc use large val-
ues of channel length, L, to improve linearity.

The two transistors, M, and M,, act to provide the same current to the two
branches of the circuit. That is, the current flowing through M, is mirrored in My

L=1

Any difference in the two currents is due to differences in their Vg values. The tran-
sistor M sets the bias current, Iy, which depends on the bias voltage V. At steady-
state, the current flowing through the two branches of the amplifier should be equal
fo .{ssf 2.

The two input transistors, M, and M, form a source-coupled differential pair,
The two input voltages, V; and V,,, are connected to the column lines. The biasing
of the circuit must be done carefully to allow the output node to have a large enough
swing. Specifically, the transistors must be on and in the saturation region of oper-
ation for high gain. In order to accomplish this, the inputs to M, and M, must be
set to approximately Vi, — Vo rather than V. To understand this, consider the
case when the inputs are precharged to V. To keep the input devices in saturation,
their two drain nodes, N1 and out, would be biased at the saturation voltage:

{Vop — Viw) Eonly
(VDD - VTN) + ECNLN

Ve = Vour = = {Vpp — VTN:]

The above simplification is possible since the channel lengths are large.
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A problem arises if the two nodes, N1 and out, are biased at this value: both p-
channel devices would be at the edge of cutoff. In practice, the PMOS thresheld
voltage is higher in magnitude than the NMOS threshold voltage. Therefore, both
M, and M, would be completely off in the steady-state condition. Instead, if we
biased the inputs of M, and M, at Vpp — Vp, then

Vin = Vo = (VDD - Vm} = Vv = Vpp — 2Vpy

Now there is enough headroom for the two PMOS devices to be comfortably on and
in saturation. This input bias condition requires the use of the column pull-up cir-
cuits of Figure 8.13c.

With the biasing established, the sense amplifier operates as follows. Initially,
the bias currents in the two branches are equal and the two Inputs are at Vi, — Vi
‘When the voltage at one input decreases, it decreases the current in that branch. At
the same time, the current in the other branch increases in value to maintain a total
of Igs through M..

We examine the discharging and charging cases in Figure 8.21. Assume that M,
is the input that has dropped below Vj,, — Vi by the prescribed amount to turn it
off, as in Figure 8.21a. This implies that the currents in M, and M, are both zero,
However, since the current in M; is Iy, it follows that this current must be dis-
charging the output capacitance through M,. Therefore, the output voltage is
quickly forced to ground. In the other scenario depicted in Figure 8.21b, if the input
V;, drops by the prescribed amount, M, is turned off. Then all the current flows
through M,, M,, and M. The current of M, is mirrered in M,. Since the current in
M, 1s zero, this current must flow to the output to charge it to V.

Voo Voo

.,
T,
, li ; aut

|

{a) Discharging output {b) Charging output

Figure 8.21
Detacting *0"and "1” using a differential sense amplifier.
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This type of differential amplifier is used in high-speed appiications. The required
differential voltage for proper operation is of the order of 100 mV to 200 mV. Its speed
can be adjusted depending on how much power dissipation can be tolerated. Con-
sider modeling the output transition as a current source driving a capacitor. The rate
of change of the output, whether switching high or low, is given by

d V _ I 35

dt Crmt

This is called the slew rate (i.e.,, dV¥/dt at the output). Rearranging, the delay through
the sense amplifier is

— cﬁﬂl A Vﬂlﬁ

Iss

AT

To reduce the delay, a large Iy can be selected. However, the power dissipation in
steady-state is given by

P= E-SSVDD

Therefore, a tradeoff exists between the speed and the power dissipation; both are
controlled by the choice of Iy, Once a suitable value of I is selected, the W/L of
the devices can be determined. For the input devices, the W/L determines the
Vs — Vo value, This value is the gate overdrive term that establishes the desired
bitline swing value. As the input transistor sizes increase, the gate overdrive term
decreases. Since we require a small gate overdrive, the input devices are required to
be rather large. The sizes of the other transistors are based on the bias voltages
needed at the internal nodes. The complete design of such amplifier circuits falls
into the realm of analog circuit design. Further details can be obtained by consuit-
ing the references at the end of the chapter.

A second option for the sense amplifier is the latch-based circuit shown in Fig-
ure 8.22. The circuit is effectively a cross-coupled pair of inverters with an enabling
transistor, ;. This circuit relies on the (slower} regenerative effect of inverters to
generate a valid high or low voltage. It is a lower power option since the circuit is
not activated until the required potential difference has developed across the bit-
iines. However, it is slower since it requires a large input voltage difference and is not
as reliable in the presence of noise as the previous sense amplifier.

The initial sequence of operations is similar to the differential sense amplifier
described above. The bitlines are precharged to Vy, with either Figure 8.13a or Fig-
wure 8,13b, Then the wordline is enabled and one of the bitlines drops In voltage. As
the bitline differential voltage reaches the prescribed amount, the sense enable is acti-
vated. The fiming of the sense enabie is critical as described later. For now, assume
that it arrives at the proper time. At this point, the bitline difference is fed into the
cross-coupled inverters. One side drops in voltage faster than the other side, since

.one side will always have more gate overdrive than the other. When the voltage drops

below Vg on one side, it turns off the pull-down transistor of the opposite side, and
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Figure 8.22
Latch-based sense amiplifier,

the pull-up transistor acts to raise the voltage to Vy,;,. This regenerative process is
shown in the timing diagram of Figure 8.22. The device sizing follows previously dis-
cussed methods for flip-flops.

The more important issue s the timing of the SenseEnable signal. If the latch is
enabled too early, the latch may not flip in the proper direction due to noise. If it is
enabled too late, then it will add unnecessary delay to the access time. In addition,
process variations will control the actual timing of the signal. In order to guarantee
that the signal will arrive at the proper time in the presence of process variations,
one needs to introduce a replica circuit that mimics the delay of the actual signal
path, shown in Figure 8.23. Here, the upper path emanating from the clock is the
actual signal path to the bitlines. The SenseEnable should arrive as soon as the bit-
line swing reaches the desired value. By creating a second path (the lower path) that
exhibits the same delay characteristics, we can ensure that the SenseEnable arrives
at the correct time.
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Repiica circuit for sense ampiifier clock enable.

The critical path for the read cycle starts from the clock and the address inputs
and terminates at the sense amplifier inputs. The signal flows through the decoder and
generates the wordline, which activates the memory cell that drives the bitlines. The
swing on the bitlines is presented to the sense amplifier. This is the point at which we
wish to enable the sense amplifier. The purpose of a replica circuit is to duplicate the
delays along this path with circuits that correspond to each delay element. Essentially,
we want to have a decoder replica that tracks the gate delays in the real decoder, and
a <ell replica that tracks the bitline discharge delay of the actual bit cell.

Note that we have placed the memory cell replica before the decoder in Figure
8.23. It is not appropriate to place the memory cell after the decoders in the replica
path since it would have to drive all the sense amplifiers at the bottem of the mem-
ory. Since a small memory cell does not have the needed drive capability, we place
the replica cell ahead of the decoder. We can keep the memory small and still deliver
a full-swing signal as needed by the input to the decoder replica. The buffers of the
decoder replica can be used to drive the sense amplifiers.

One issue for the replica memory cell in this configuration is that we require
the full-swing output to have the same delay as the small swing on the actual bit-
lines. For example, if the actual cell requires 500 ps to transition by 180 mV, then the
replica memory cell would require approximately 5 ns to transition by 1.8 V. This is
not an acceptable delay in the replica path.

The replica cell should, in fact, be 2 replica column line with only enough cells
to match the timing of the actual calumn. This is shown in Figure 8.24. For example,
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Replica cell design.

if we have 256 bits in the true bitline with 2 swing of 180 mV, then we only require
roughly 26 cells in the replica circuit to produce a full swing of 1.8 V in the same time
interval. The slight round off error in the number of cells used is not an issue since
we will ensure that the replica path is slightly longer than the actual path delay. With
the full swing from the replica path cells, we can drive the decoder replica gates. The
needed 26 bits can be cut from a section of additional columns that are always fab-
ricated alongside the main memory array to avoid “edge effects” on each end.

To ensure that the SenseEnable does not arrive too early for any reason, we
should add an extra gate delay or two to the decoder replica. Designed in this man-
ner, the SenseEnable will arrive at the proper time in the presence of process and
environmental variations.

8.5 Memory Architecture

The overall memory architecture can now be described. In Figure 8.25, we illustrate
a high-level layout of the miemory array. The core array containing the cells is the
largest block. The bitline precharge circuits are positioned above the core. The row
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Basic mernory architecture.

decoder is placed on the right side and the column multiplexer and bit /O are
located below the core array. If we zoom in on a corner region of the memory, as
shown in the right-hand side of Figure 8.25, we see that the row decoder is comprised
of a predecoder and a final decoder. The decoder drives the wordlines horizontally
across the array. Each pair of bitlines feeds a 2:1 column decoder {in this case) which
is connected to the bitline I7O circuits such as sense amplifier and write drivers, Each
memory cell is mirrored vertically and horizentally to form the array, as indicated in

the figure.

Several factors contribute to a limit on the maximum speed of operation. Delays
in address buffers and decoders naturally increase as the number of inputs and out-
puts increase. Row lines are typically formed in polysilicon and may have substantial
delays due to distributed RC parameters. A metal line may be placed in parallel and
contacted to the pely line to reduce the delay (cf, Figure 8.12). Column lintes are usu-
ally formed in metal, so resistance is not as significant, but the combined capacitance
of the line and many parallel access transistors connected to them results in a large
equivalent lurnped capacitance on each of these lines. The large capacitances on the

211 MUX
& Bit 10

wordline and bitlines also contribute to excess power dissipation,

In order to reduce delay and power, a number of different partitioning
approaches have been used. One technique is the divided wordline (DWL) strategy
shown in Figure 8.26 for a 64K bit SRAM. Part of the 8 row address bits (6 in this
case) are used to define global wordlines. A total of 64 global wordlines are created.
These lines do not drive memory cells (Le., the two access transistors within each
cell} and therefore have far less capacitance than the regular wordlines. The remain-
ing 2 bits of the address are used to generate local wordlines that actually drive the

Address
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Divided wordline strategy to raduce power and delay.

cell access transistors. In this example, four blocks are created and accessed using the
local wordlines. The total cell capacitance is reduced by up to a factor of 4. Therefore,
the power will be reduced greatly. In addition, the delay along the wordlines is also
reduced,

A similar partitioning strategy can be applied to the bitlines, as shown in Fig-
ure 8.27. An architecture without partitioning is shown in Figure 8.27a. For this
case, neighboring pairs of bitlines are multiplexed to produce 128 outputs {i.e.,
there are 128 sense amplifiers in this example). If the bithines are partitioned into
two sections, the bitline capacitance is reduced by a factor of 2. The proper cell must
be selected using a two-level multiplexing scheme of Figure 8.27b. To achieve the
same bitline swing as in Figure 8.27a would only require roughly half the time. Fur-
ther partitioning can be carried out with 2 corresponding increase in the complex-
ity of multiplexing,
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Bitline partitioning to reduce delay,

8.6 Summary

This chapter has focused on the application of material in previous chapters to the
design of an SRAM. Modern memories are, of course, much more complicated but
mrost of them can be understood with the basic concepts that have been presented
in this chapter. Since memory is very regular in nature, the design process has
reached a point where it can be implemented in software. Today, there are CAD
tools called memery compilers that can generate a memory design within minutes.
While the sizes of the memories that can be generated are still limited to some
degree, the automatic synthesis approach for memories will be used more fre-
quently in the future. This concludes the discussion on SRAM circuits. Other types
of memory circuits are described in Chapter 9.
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PROBLEMS

P8.1. What are the main differences between the ROM, SRAM, DRAM,
EPROM, E?PROM, and Flash? Which is the most popular memory for
embedded applications (i.e.,, on the same chip as the processor logic
blacks)? Describe suitable applications for each one.

P8.2. Draw the circuit equivalent for the 6T SRAM of Figure 8.12. Estimate
the height and width of the cell. Assume that contacts are 44 by 4A.

P8.3. Implement an 8-bit decoder using NAND2, NAND3, and NAND4 logic
gates and inverters, following a two-level decoding scheme. You do not
have to design the sizes of the transistors. Why is a two-level scheme pre-
ferred over a multilevel scheme? What is the branching effors of the
decoder from input to output {see Chapter 6 for the definition of this
term}?

P8.4. Consider the SRAM cell of Rigure 8.8 with a stored 0 on the left side and
a stored 1 on the right side. Design the transistors of the SRAM such that
nede g does not exceed Vi, during a véad operation and node g drops
below V¥ during a write operation. The desired cell current during 2
read operation is 300 pA. Use 0.18 um technology parameters.

P8.5. Redesign the SRAM cell of the previous problem by assuming worst-
case conditions for a read operation as follows: the threshold voltage of
M, is reduced by 10%, the width M; is increased by 18%, the threshold
voltage of M, is decreased by 10%, and the width of M, is increased by
10%. Explain why this is considered to be worst case for a read opera-
tion. Simulate the circuit in SPICE to demonstrate its eperation under
worst-case conditions.

P8.6. Redesign the SRAM cell of the previcus problem by assuming worst-
case conditions for a write operation as follows: the threshold voltage of
M, is increased by 10%, the width M, is decreased by 10%, the thresh-
old voltage of M, is decreased by 10%, and the width of M, is increased
by 10%. Explain why this is considered to be worst-case for the write
operation. Simulate the circuit in SPICE to demonstrate its operation
under worst-case conditions.

P8.7. Consider the 6T SRAM cell of Pigure 8.8. Replace M; and M by poly
resistors that are 100 M{} in value. Explain how this new 4T cell works
for read and write operations. How does the internal node get pulled o
a high value? Is the new cell static or dynamic?
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P8.8. For the sense amplifier shown in Figure 8.20, answer the following ques-
tions using 6.18 um technology parameters:

{a) If the sense amplifier is driving a load of 50 {F in 500 ps, what is the
required value of I

{b) In order to turn off the input transistors with a bitline swing of
100 mV, what values of W/L are needed?

{c) Which of the three column pull-up configurations of Figure 8.13
would be used with this sense amplifier? What is the initial voltage
at the inputs to the sense amp?

(d) Given the size of the input transistors, what is the steady-state volt-
age at the gate node and the resulting size of M.?

{e) Choose the sizes of M, and M, to establish a suitable steady-state
cufput voltage,

DESIGN PROBLEM 1: Decoder Design
in 0.18 um Technology

Your task is to create a decoder for a small memory shown in Figure D8.1. The
memory consists of 1K words, each containing 64 bits, arranged as a 256 X 256
array of 6T SRAM cells. A word is selected for reading by the row and column
decoders. The row decoder asserts one of the 256 wordlines. Bach Metal2 wordline
selects a row of four 64-bit words. Four selected words feed the input of the 41
MUX controlled by the outputs of the column decoder.

The SRAM receives a 10-bit address. The inputs to the row decoder are the
upper 8 bits of the address, while the lowest 2 bits of the address feed the column
decoder. Each access transistor in the memory cell is 4A in width. Each SRAM cell
is 404 X 40A. The diagram in Figure D8.1 illustrates the SRAM array, with a blow-
up of one of the SRAM cells in the forty-second word.

The spec allows a maximum of 5 {F of gate capacitance on any address input.
You can assume that the clock period is 24F04 delays. Your task is to minimize the
delay from the address becoming stable to the wordline rising, The general topol-
ogy for the decoder is provided in Figure D&.2, Your design goal is to implement an
optimal row decoder that converts 8 address bits into 256 wordlines using logical
effort.

{a) What is the total load on one wordline? Include both the loading of the
SRAM cells and the capacitance of a Metal2 wordline. Assume a wire capac-
itance of 0.2 fF/pm. You can assume that gate capacitance is 2 fFfum.

(b) Find the total path effort in the address decode path by estimating the
fanout from input {address bit) to output {wordline), the branching factor,
and the logical effort. Estimate the number of stages needed in the optimal
design.
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SaAM layout and timing information,

{¢) You can implement the predecoder in either 2 or 4 stages as shown in Fig-
ure D8.2. Which of the two approaches is berter? Using logical effort,
decide which architecture you are going to nse, For both cases, the final
decode stage is a NAND2-INV combination. Ignore any sideload capaci-
tances.

{d) Next choose the correct design for the decoder, and size the gates to opti-
mize performance. What is your estimate of the delay of the decoder in
terms of FO4 delay (include the delay from the parasitics of the gates in
your estimate)?

{e) Now include the sideload at the outputs of the predecoder stage. The side-
load is due to the wire running vertically in Pigure D8.2. Compute the
actual sizes when the sideload is included.

{f) Compare the hand-calcualated delay against SPICE.
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Decoder topology, branching, and wire loads.

DESIGN PROBLEM 2: Design of SRAM Cell and Read/Write
Circuitry in 0.18 um Technology

The problem explores cell and 1/0 design issues for a 64K SRAM based on the pre-
vious problem. Since there are 256 columns in the SRAM and 64 bits/word, it
requires 64 sense amplifiers (1 per bit of output) and each one is driven by 1 of 4
possibie columns {one column from each interleaved 64-bit word).

{a} First consider the cell design. Recall that in Design Problem 1, the access
transistor of the SRAM cell was given as 4A. Size the rest of the transistors
to satisfy the following requirements: (i) During a read, the internal volt-
age should not rise above Vi, (2} During a write, the access transistor
must be able to pull the internal node to at least 0.8 V (ie., well below Vs
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(b)

(<)

(d)

(e)

(£)

(g}

of the inverter), and {3} Make the transistors as small as possible. One
assumption you could make is that the bitline is around 0 V during the
write operation. For the read operation, assume that the bitline acts like a
supply voltage at V. Rules of thumb are available for the design but you
may need to adjust these values to make the cell work properly. Al transis-
tors should be specified in integer units of A. The minimum channel
length/width is 2A.

Estimate ¥, of the inverters used in the cell. Why is this number important
in the cell design? Use SPICE to verify the dc parameters you calculated.
Provide both Vy, for the read operation and V; as measured in HSPICE.
Adjust any device sizes as necessary to achieve the design specifications.

Using hand calculations, estimate the current that the cell can draw from
the bitline when the wordline goes high. Use an average between the initial
value and the steady-state value to estimate this corrent.

Next, calculate the capacitance of the bitline. There are 256 rows of cells
and, from Design Problem 1, each cell is 404 X 40A.The column pull-up
transistors are each 50A. Assume that each contact has a capacitance of 1 {E

Next compute the time required to discharge one of the bitlines by 180 mV.

The last part of the read cycle involves the sense amplifier. The design of
the sense amp has been provided in P8.8 using Figure 8.20. Compute the
discharge time assuming that the bias current is 300 A and the output
capacitance is 50 fF. Assume a voltage swing at the output of the sense amp
of 0.9V,

The next step of the design is the write circuit of Figure 8.18. To write the
cell, the bitline has to be driven low enough so that the cell switches. Ide-
ally, the write time should be about the same speed as the read time. If we
work to make it faster, we are wasting our effort becaunse the read will be the
Yimiting factor. If it is slower than the read, then the write is in the critical
path and that is not desirable either. Using a simple RC model, determine
the effective resistance needed to get the bitlines to swing down to Vjp/5
in the same amount of time it takes to do the read. Size My;, M,,, and M5
so that they have this effective resistance.

{h) As a last step, we need to set the values of the column pull-up transistors of

(@

Figure 8.18. They need to pull the bitlines up after a write but before the
end of the precharge phase. How big do they need to be? The final differ-
ence of the bitlines should be less than 10% of the desired read swings to
avoid confusing the sense amp. Typically, we make them twice the size of
the pull-down devices for a fast precharge. Size these transistors accord-
ingly.

Check your results using SPICE.
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Interconnect Design

10.1 Introduction

This chapter is devoted to the study of interconnect issues that the IC designer faces
when designing in deep submicron technologies. The relative importance of inter-
connect in deep submicron cannot be overstated. In fact, the topic of interconnect
should actually appear much earlier in the text to stress its importance, but it is
more appropriate at this stage since the discussion of transistor level circuit design
has been completed. Initial coverage of interconnect topics was provided in Chap-
ters 1 and 3. This chapter addresses the issues associated with RLC aspects of wires
in detail. We begin by reexamining the RC delay calculation using the Elmore delay,
and address the issue of buffer insertion in long wires. Then, we examine the capac-
itances associated with 3D interconnect. This topic is rather complex but we pro-
vide a simplified treatment to convey the most important concepts. This leads to a
discussion of the effect of coupling capacitance on delay and noise injection in logic
circuits. The chapter continues with a discussion of inductance effects and con-
cludes with a brief look at antenna effects.

“Interconnect is everything” was an often-used expression starting in the mid-
1990s to characterize the importance of interconnect in deep submicron technologies.

441
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Figure 10.1
Cross sections of aluminum and copper processes.

While device sizes were shrinking with each technology generation, multilevel metal
structures rose higher and higher above the surface of the silicon and soon began
to dominate the landscape of the integrated circuit. This is illustrated in the cross-
sectional views of 0.18 um aluminum and 0.13 um copper technologies in Figure
10.1. The number of layers of metal has increased from a few layers in the 1980s, to
four or five layers in the 1990s, to eight or more layers today. The fabrication of
these superstructures required significant advances in integrated circuit processing.
However, the impact on design was even more significant. Suddenly, interconnect
controlled timing, power, noise, design functionality, and reliability. It controlled all
of these important electrical characteristics on the chip, even though the tiny
devices (buried under a multilevel structure of wires and vias) defined the actual
logic functions. Today interconnect still controls the design process in advanced
technologies and will continue to do so for the foreseeable future.

The dimensions associated with a cross section of interconnect are shown in
Figure 10.2. The rectangular wires are W wide and T thick, as shown. The separa-
tion between layers is a distance H (insulator thickness), and from other conductors
is a distance S. The length of the wire, L, is shown only for Metal 2. The Metal 1 wires
run into the page and so their lengths are not shown. It is important to realize that
the vertical dimensions H1, T1, H2, and T2 are determined during the fabrication
process. The designer has no control over these quantities. On the other hand, the
horizontal dimensions W1, S1, L1, L2, etc. are all under the control of the designer.

There are a number of reasons to emphasize the importance of interconnect.
First, as the width W of wires is decreased, the resistance increases. This increase in
wire resistance causes an RC delay phenomenon that had not been experienced before
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Wire dimensions for resistance and capacitance calculations.

1990. By the mid-1990s, a noticeable increase in wire delay led to widespread concern
that it would soon be greater than gate delay. Second, the spacing S between wires has
been decreasing to the point where the coupling between wires is significant. The
resulting capacitive coupling introduces additional delay and noise effects that can
cause failures in the design, requiring respins of silicon’ in order to fix the problem.
The overall term for all these problems is signal integrity. Recent issues of inductance
in wires have been included in the growing list of signal integrity problems.

Other problems have surfaced due to the scaling of interconnect. The increase
in resistance in the power supply lines due to scaling causes voltage drop along
interconnect, referred to as IR drop. This affects the timing and functionality of
gates connected to the power lines if the drop becomes too significant. A similar
issue concerns the Ldi/dt drop in the power grid due to inductance. Still other
effects such as charge storage on metal lines during manufacture, called antenna
effects, lead to gate oxide breakdown or a threshold voltage shift. Further reliability
problems exist due to the migration of the aluminum or copper material in the
wires as high levels of current flow through them. Eventually, cracks and other
imperfections in the metal cause material erosion until opens or shorts occur. This
phenomenon is called electromigration, a long-term reliability issue.

Indeed, interconnect is more important than devices in many respects. This
chapter and the next should be studied carefully as they contain valuable informa-
tion pertaining to interconnect design issues. The material on interconnect in the
open literature is rather extensive. Our purpose here is to convey the major issues
and provide useful insight into the design methods to circumvent these issues. This
chapter considers resistance, coupling capacitance, and inductance effects on delay
and noise. Antenna effects are also described. The next chapter considers power grid

! A spin of silicon is the process of designing a chip and then having it fabricated. When errors are found in the
design after fabrication, the whole process must be repeated. This is a very expensive and time-consuming
exercise. Often several “spins of silicon” are needed to produce a working design for large complex chips.

Dell Ex. 1038
Page 310



444 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

and clock tree design in the context of interconnect issues. For further information,
the reader is encouraged to consult the references at the end of the chapter.

10.2 Interconnect RC Delays
10.2.1 Wire Resistance

The delay due to interconnect has changed considerably due to deep submicron
effects. It is our objective to develop models that can be used for accurate delay cal-
culation when interconnect effects must be taken into account. So far, we have used
a simple lumped capacitance to model the wire as shown in Figure 10.3a. We now
consider the effect of wire resistance on delay. As the width dimension of the wires
is reduced, the increased resistance has a pronounced effect on the delay. This was
first observed at the 0.8 um technology node at a number of semiconductor com-
panies, but became a widespread issue at the 0.35 wm technology node. The inter-
connect model shown in Figure 10.3b is required when interconnect resistance is

important.
The resistance of a material is given by
pL pL
R=—=— 10.1
A TW (10)

where p is the resistivity of the material in (2-cm, L is the length of the wire, T is the
thickness of the wire, and Wis the wire width. The leading term in Equation (10.1)
is an important one:

p
R, = —7: (10.2)

_]_ r

(a)

(b)
Figure 10.3
(a) Lump capacitance model. (b) RC interconnect model.
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where R, is the sheet resistance of the material and has the units of ohms per square
(1/0J). The sheet resistance of any metal layer can readily be computed from the
resistivity and the thickness, T. To keep resistance relatively low in each technology
generation, the thickness has not been scaled at the same rate as the minimum line
width. However, the thickness of the metal lines will vary, depending on the metal
layer. To simplify our description, we assume that two different thicknesses are used,
one for the lower layers and one for the upper layers. Because the upper layers carry
much larger currents over longer distances, they require a lower resistance, and
therefore a higher thickness.

The two most common materials for interconnect are aluminum, with p =
2.7 uQ-cm, and copper, with p = 1.7 u€)-cm.? The metal hierarchies for a 0.18 um
aluminum process and a 0.13 um copper process were shown in Figure 10.1. The
approximate sheet resistances for a 0.18 wm, 5-layer aluminum process assuming
that metals 1 to 4 have a thickness of 0.5 wm and metal 5 has a thickness of 1.0 um
are as follows:

2.7 pQ-cm
Ry = LB 5 mQ/0 Al metals 1-4
T 0.5 um
(10.3)
_p _27puQ-cm
R, = T —‘-I‘O—Mm— =27 mQ/0 Al metal 5

The approximate sheet resistances for a 0.13 wm, 8-layer copper process assuming
that metals 1-6 have a thickness of 0.4 um and metals 7-8 have a thickness of
0.8 wm are as follows:

p  1.7ufd-cm
R, = T = —Om =42 m{/00 Cu metals1-6
_p _ L7puQ-cm (104)

R

9= T og o =21 mQ/0O Cu metals7-8

Given these parameters, the actual resistance of a segment of wire is:

R = qu(%> (105)

The ratio of L/ Wis referred to as the number of squares of wire. It is the aspect ratio
of the wire in terms of length and width. Designers count squares of interconnect
as a way of obtaining a relative resistance value for a wire since R is fixed for a given
technology. As we know by now, the number of squares of resistance has continued
to increase over the years since L is increasing and W is decreasing for the longest
wires on the chip. Therefore, these are the wires that cause significant RC delay
problems.

2 As a point of comparison, tungsten plugs have a much higher resistivity of 5.5 pQ-cm.
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10.2.2 Elmore Delay Calculation

In long wires, the increased resistance presents a distributed RC load to a driving
gate, as shown in Figure 10.4. For simplicity, the driver is represented as an ideal volt-
age source. The distributed RCline has been converted to a lumped RCladder struc-
ture with n segments. The total resistance for the line is the sum of all the individual
resistances, R,;. = #1R},. The same holds for the total capacitance, C,;,. = nCy.

The wire capacitance in the delay calculation is computed using the capacitance
per unit length of interconnect, C,. In modern technologies, there are multiple lev-
els of metal and each one has a different C, . In fact, as we shall see later, intercon-
nect capacitance is distributed in nature and highly dependent on the layout. Today,
there is more coupling capacitance between lines than there is capacitance to
ground. For the moment, we use an average capacitance value and assume that all
layers have the same C,, for hand calculations. The effective wire capacitance for
metal interconnect is G, = 0.2 fF/um for densely packed lines (3—4A apart) and of
the order of C,, = 0.1 fF/um for loosely packed lines (30-40A apart). We will often
use G, = 02 fF/um for the capacitance for an interconnect line to be somewhat
pessimistic.

To determine the delay of an RCladder, consider an aluminum wire in 0.18 um

technology. Assume a wire width of W= 04 pum, and G, = 02 {F/um and R, =
0.054 Q)/0J. Then for a length of wire 1 mm, the total resistance is R, = 0.054 /O]
X 1000/0.4 = 125 () and the total capacitance is G, = 02 fF/um X 1000 um =
200 fF. It is tempting to compute the total RC delay as 0.7 R,;,.C,;,e = (0.7)125 £ X
200 fF = 17.5 ps. However, the actual delay is closer to 10 ps. Clearly, we need an
accurate way to compute the delay of such RCladders.
By multiplying R,;. and C,, together, we assumed that the response was
exponential in nature, as shown in Figure 10.5a. In actual fact, the response of a dis-
tributed RC line is given in the graph of Figure 10.5b. The key to developing a con-
venient way of computing the delay for a ladder network is to examine the area
under the two graphs and establish a relationship between the two responses.

The area underneath the curve in Figure 10.5a is called the first moment of the

impulse response and is given by

wire Cwire

Area = f e RCdr = R
0

Figure 10.4
Distributed RC line as a lumped RC ladder.
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(a) Lumped RC waveform (b) Distributed RC waveform

Figure 10.5 :
Lumped RC versus distributed RC output waveforms.

This gives us exactly the time constant for a lumped RC circuit. Apparently the area
under the curve provides first-order delay information. If we apply this observation
to the waveform for the distributed RC given by Figure 10.5b, we find that the area
under this curve is some value which we call 7 given by

Area = j v(t)ydt=r
0

This quantity is also the first moment of the impulse response but is more com-
monly referred to as the Elmore delay by circuit designers. It can be shown that this
is the dominant time constant of the network and is a good estimate of the delay.
While this value is difficult to compute in general, it is fairly straightforward for RC
networks. The Elmore delay for an RC ladder involves visiting each node in the cir-
cuit and multiplying the capacitance at that node by the sum of all the resistances
from the source node to the node being visited.

To further illustrate this procedure, consider the circuit in Figure 10.6. It has an
Elmore delay of

=R, C, + (R; + R)C, + (R, + R, + R;)C;4

We can examine two extreme cases of this delay value to see if the Elmore delay
is consistent. Specifically, if C; = C, =0, then the Elmore delay and the RC time
constant are equal to (R, + R, + R;)C,. Similarly if R, = R; =0, then the Elmore
delay and the RC time constant are both R,(C, + C, + C;). Since both cases are
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Ry R, Ry

Source W Output
CII Cz:l: C3

Figure 10.6
RC ladder for Eimore delay calculation.

correct, we have some confidence the Elmore delay is a reasonable delay estimator.
In fact, it is the most popular form of delay calculation for RC ladder and tree cir-
cuits.

For a general network, we can compute the Elmore delay as

;= >, (G X Ry) (10.6)
k

where the node of interest is node 4, C, is the capacitance at node k, and Ry is the
sum of all the resistances in common from the source to node i and the source to
node k. In other words, we visit each node and multiply the capacitance at that node
by a resistance value that is the sum of the resistances that are common when we
draw two paths: one from the source to node i and another from the source to node
k. The process is best illustrated with an example.

Example 10.1 Elmore Delay of a Simple RC Tree
Problem:

Compute the ElImore delay from the input to nodes 1,2, and 3 in the following RC
tree. The Elmore delay is not accurate for internal nodes such as node 1. However,
we are not usually interested in the delay from the input to an internal node in RC
trees. In any case, write the expression for the time constant due to Elmore for each
node.
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Solution:

7, = RC + RG, + RG
7, =GR, + GR;, + G,(R, + Ry)
73 =GR, + GR;, + G(R, + R;)

10.2.3 RCDelay in Long Wires

For a long wire, we can compute the RC delay in terms of the total resistance and
total capacitance. Consider Figure 10.4 once again. If the total wire length is L, and
each segment is AL in length, then L = nAL. For convenience, set the wire resistance
per unit length to R, , = rand the wire capacitance unit length to G, = c. The total
resistance is R,;,. = rL and the total capacitance is C,;,, = cL. Using the Elmore delay
calculation assuming # segments, we obtain

Thimore = (TAL)(cAL) + 2(rAL)(cAL) + -+ + n(+AL)(cAL)
AL)?*rc(1+ 2+ - + n)

= (

= (AL)

— (ALFrcln)(n + 1)/2

~ (AL)’rcn?/2 = L*r¢/2 = R,3:eCoire/2

(10.7)

The actual propagation delay value is closer to 0.38R,;,.C,;.. Which is slightly less
than what Elmore predicts, so Elmore can be viewed as being somewhat pessimistic.
Note that, according to Equation (10.7), the delay increases as the square of the
length. This alerts us to the fact that long wires will create significant delays.

In practice, there must be a buffer or inverter driving the interconnect as shown
in Figure 10.7. The driver can be represented as a source voltage and a source resist-
ance. The source voltage is either Gnd or Vj, depending on the direction of the
switching event. The source resistance is the on-resistance of the buffer.

We should always compute the total delay with the buffer attached to the inter-
connect. In addition, we must include all fanout loading capacitances on the inter-
connect for accurate delay estimation. To simplify the calculation, we replace the
distributed RCline with a lumped RC model after computing R,;. and C,;,, of the
line. There are three forms of RC models as shown in Figure 10.8. While they all

Figure 10.7
Driver and interconnect.
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Rwire Rwire 2 2

o Cyire " e Cyiire ) C..
I~ %1 I1¥ i~

L-model IT-model T-model

Figure 10.8
Three possible lumped RC models.

appear to be similar in form, they are not all suitable for the purp(;ses of delay cal-
culation. We can evaluate each one by computing its corresponding time constant.

First, the L-model produces a time constant of R,; C, ;... We already know from
Equation (10.7) that the delay should be R;.C,;./2 so this model should not be
used. The second model is the 7m-model where the capacitance has been divided in
half and assigned to the input and output. The time constant is R, C,;../2. The
third model is a T-model where the resistance has been divided in half and assigned
to the input and output. Here, the time constant is also R;,C,;../2. Therefore, the
L-model is not an accurate model for long distributed RC lines, whereas the 7-model
and the T-model produce the correct answer, so they are both suitable for the delay
calculation. The T-model has an extra node that may increase the number of calcu-
lations. As a result, the -model is the most popular lumped model for a distributed

RCline.

Example 10.2 Delay with and without Resistance Effects for Short Wires

Problem:

What is the propagation delay through the first inverter shown below, ignoring the
wire resistance? Assume all inverters are equal in size.Include all capacitances and
use 0.18 um technology parameters. Recompute the delay including interconnect
resistance. Assume that the metal is Al and that the width of the wire is 0.2 um.|s
wire resistance significant?

Parameters: Cyq = 1 fF/um, Gy, = 0.2 fF/um, C; = 2 fF/um.

% a
0.8 um/0.2 pm
_l_ Dc 20 pm Jl>c 1spm
In
0.4 um/0.2 pm
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Solution:
Fanout capacitance:inverter is driving four identical inverters.
Chanout = 4 X Cg(Wy + W) = 4(2 fF/um) (0.8 um + 0.4 um) = 9.6 fF
Self-capacitance:
Coett = Cost(Wy + W) = (1 fF/,u,m) (0.8 um + 0.4 pum) = 1.2fF
Wire capacitance:
Cwire = Cintl-wire = (02 fF/p,m) (20 p.m) = 4fF
Total capacitance:
Cload = Cfanout + Cself + Cwire =96+ 12+4= 14.8 fF

Based on this total capacitance, the delay assuming a ramp input is given by

L
Tariver = RettCload = (12.5k)<W>(14.8 fF)

= (12.5k)<%>(14.8 fF) = 6.25k(14.8 fF) = 92.5 ps

To include wire resistance, we first compute the resistance for the 20 um wire:
L 20 um
Ruire = R“’(W) = 54mQ/ X <0‘2 um) = 540

Next, use 7-model for the wire:

6.25kQ 54Q

O_NWTT—WT——'—OOM
1.2 fF 2 fF 21F = 'L9.6fF

Use Elmore delay calculation:
Tarver = (6.25kQ) (3.2 fF) + (6.25kQ + 5.4 Q) (11.6F)
= 92.6ps

Conclusion: the inclusion of wire resistance made no appreciable difference to the
solution.

The above example illustrates that short wires can (and should) be handled as a
lumped capacitance with little or no error in the calculations. The definition of a
short wire depends on the technology but typically wires that are a few microns long
or as high as 20 um should be handled as a lumped capacitance. Over 90% of the
wires in a chip are short wires and, therefore, can be computed in this way.

While the analysis above is appropriate when the length of interconnect is rel-
atively short, it is not appropriate when the interconnect line is long. In this case,
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Example 10.3

the wire should be treated as a distributed RC line rather than a simple lumped
capacitance. Consider the example below that illustrates the impact of a long wire.

Delay for Inverter Driving aLong Wire

Problem:

Consider an isolated metal 5 Al wire that is 20 mm long and driven by a 100X
inverter (i.e., 100 times larger than the minimum size inverter). Since the wire is iso-
lated, its capacitance is 0.1 fF/um. Estimate the total line resistance and the total
line capacitance assuming that the width of the wire is 0.5 wm.What is the propa-
gation delay as calculated by Elmore for the 77-model from the input of the inverter
to the end of the wire?

Solution:

The wire resistance is

0.027 Q/01

20,000 pm) = 108
05 am 0,000 080 Q

Ryire = Rinll = <
The wire capacitance is
Cwire = Cinll = (0.1 fF/um) (20,000 wm) = 2 pF
The inverter on-resistance is
Rett = Regn/100 = 125 k€)/100 = 1250
The inverter output capacitance is
Cerf = CefQW + W)100 = (1 fF/jum) (0.6 um)100 = 60 fF

We can ignore the junction capacitance since it is rather small. Using the 7-model,
the wire capacitance is split in half while the full wire resistance is used in the
model.

125Q 1080 Q@

Ino—-wT-wv—-L—o0ut
1PFI 1pFI

The resulting Elmore delay is

Temore = (125Q)(1 pF) + (125Q + 1080 Q) (1 pf) =~ 1.3 ns

In order to appreciate the large delays associated with long wires, we plot the FO4
gate delay and the wire delay for a number of different wire lengths as technology
scales in Figure 10.9. As reference points, the FO4 delay for 350 nm is approximately
150 ps; for 130 nm, the FO4 delay is reduced to approximately 40 ps; for 65 nm, the
value reduces to about 25 ps. On the other hand, for L =1 mm the interconnect
delay increases from 3 ps, to 27 ps, to 116 ps, respectively. For L =2 mm the delay

Dell Ex. 1038
Page 319




INTERCONNECT DESIGN

1200.0
1000.0 |-
80001 Interconnect
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Figure 10.9

Gate delay versus interconnect delay.

values are 12 ps, 110 ps, and 460 ps, respectively. For L = 3 mm the delay values are
30 ps, 240 ps, and 1035 ps, respectively. The wire delay doubles with each technol-
ogy node and increases quadratically as a function of wire length. Clearly, when a
single buffer drives a long wire, the interconnect delay will eventually dominate the
FO4 delay as technology scales or as the length increases.

We can define a rule of thumb for long wires by setting the FO4 delay equal to
the interconnect delay in each technology. A critical wire length can be derived as
follows:

FO4 = 0.38R, Gl

N [ FO4
Tt 038R Ciny

For example, in a 0.18 wm technology, the value of L_;, can be computed using this
equation or estimated from the graph in Figure 10.9 to be approximately 2.5 mm. Of
course, this value will vary depending on the values of R, and G, for a given wire.

10.3 Buffer Insertion for Very Long Wires

For very long wires, the quadratic delay characteristics described above cannot be tol-
erated in any design. The interconnect delay would be so long that it would dominate
the gate delay. In ICs, global wires tend to be very long since they must be distributed

453
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all over the chip. These wires are associated with clocks, busses, and other major sig-
nals in the design. Since the delay for a long wire is quadratic with respect to L, the
standard solution is to insert repeaters or buffers periodically along the wire. This
effectively shortens the wire into smaller segments. The buffers act to convert the
quadratic delay to a more linear delay. Of course, if we insert too many buffers, the
delay increases due to the buffers themselves. But with too few buffers, we are prone
to the quadratic effect. Finding the optimum number of equal-sized buffers needed
to minimize the overall delay is referred to as the buffer insertion problem.
Consider a wire of length L that has an unacceptably long delay without any
buffers driving it. If the per unit length resistance and capacitance are given by R,
and G, respectively, the total resistance and capacitance of the wire is given by

Rie=2L =R =R,1
ire TW qu int
Cwire = CintL

To reduce the delay we seek to insert a number of buffers that produce the mini-
mum delay. Let N be the number of such buffers (including the first buffer) and L/N
be the corresponding wire lengths between buffers as shown in Figure 10.10a. Each
segment consists of a buffer driving a wire load and a downstream gate load. A 7-
model may be used for the interconnect in one segment as shown in Figure 10.10b.

D L/N D L/N Doﬂ

" One stage '

(a) Wire of length L with N buffers inserted

Ry L/N

Add
yyy
G Cint

l imL
; 2N

(b) One segment of buffer and interconnected

Rogn /M Ry LN

c,M(1+[s)I ICimL Cin I ICGM(1+B)

II™ =il

(c) RC model for one segment

Figure 10.10
Buffer insertion for very long wires.
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Assuming that a minimum size buffer is 1X, the corresponding input and output
capacitances are as follows:

Cout = Ceﬁrw(l + B) = C/(l + B) (ln ﬂ:)
Ci, = CgW(l + B) = C4(1 + B) (infF)

Here, B is the ratio of the PMOS to NMOS device size. The value of C;is Cg X W,
where Wis the size of the NMOS device for a 1X inverter. Similarly, CG is C X W.

Let the multiplier M represent the optimal buffer size for the buffer insertion
problem. Then, for a buffer which is M times larger than a 1X buffer:

Reﬁ’ = Reqn/M
Cox = CyW(1 + BM = G(1 + )M

In Figure 10.10c, we illustrate the RC model used for each stage during delay calcu-
lation. Using the Elmore delay, the delay for each segment is given by

R, Cincl
tsegmem = M <C]M(1 + ﬁ) —t_>

2N
Reqn RimL) < Cl tL
+ + — — + CoM(1 +
(G Beb) (S s coma + )

The total delay is N'times the segment delay. After some rearrangement, we find that
it produces a quadratic equation with respect to L.

ttota] = NX tsegment = N(CG + C])Reqn(l + B)

CintReqn (C tR' t)
+( Co(l + B)RyM + L+ | ———|I* .
< G( B) int M ) IN (10 8)

When we examine each delay term, we find that the first term is due solely to the
buffer while the last term is due solely to the interconnect. The middle term has two
components: one is due to the wire resistance driving the input capacitance of the
next buffer, and a second RC term is due to the buffer driving the wire capacitance.

To find the optimal values for N and M, we apply the derivative with respect to
each of the variables, as follows. The number of wire segments is

at total RintcintL2
— o _ 0= + + b
a1\] 0 eqn(C/ C )(1 B) 2N2
Rin C; L2 2 twire
~N= \/ Cinl/ = \/ (10.9)
Repu(Cy + Co)(1 + B) FO1
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The buffer size, assuming all buffers are equal, is

8o RepnCinl
oM M?

R, C.
M= \/@_ Znt (10.10)
Cs(1 + B) Rin

Using these values of N and M, we can obtain the optimal delay through the inter-
connect. We can further understand these values by examining the total delay equa-
tion provided in Equation (10.8). The variable N exists in the first and last term of
toras the terms are due to the buffer and interconnect, respectively, each one acting
as if the other did not exist. If we set these two terms to be equal to one another, we
arrive at the equation for the optimal N. The expression under the square-root sign
in Equation (10.9) can be viewed as the interconnect delay (¢, according to
Elmore) divided by the inverter delay when driving an identical inverter (FO1 delay).

The middle term of the total delay expression in Equation (10.8) is dependent
on M. If we set the two expressions in the middle term to be equal to one another,
we arrive at the optimal M. This value does not depend on the length of the wire but
rather the physical characteristics of the transistors and wires. In fact, this quantity
depends only on technology parameters of the wire and the minimum-size inverter.
Therefore, we can compute this value once the process parameters have been deter-
mined. Note that precise values of the terms in the expressions are needed to pro-
duce accurate results.

It is useful to compare and contrast the buffer insertion problem to the logical
(LE) effort problem described in Chapter 6. For buffer insertion, we are concerned
with driving a long wire so we break up the wire into segments and insert very large
equal-sized buffers between the wire segments. For logical effort, the objective is to
drive a very large output capacitance starting from a small input capacitance. The
solution is obtained by determining the number of buffers and then sizing up the
buffers by a given factor, typically by 4X. In LE, the delay through each buffer stage
is the same at the optimal solution. In the case of buffer insertion, the delay due to
the buffer and the wire are the same at the optimal point.

=0 =Ry LCc(1 + B) —

Example 10.4 Buffer Insertion Example

Problem:

From Example 10.3, consider the 20 mm Al metal 5 wire again, but this time reduce
the delay using optimal buffer insertion. What is the new delay through the wire
after buffer insertion?

Solution:
Using the following values:
Rt = 54 mQ/um Gy, = 01 fF/um L = 20,000 um
Regn = 125kQ/00 C,=2fF/um Cy=1fF/um W=02um B=2
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The number of segments in the wire is
RintCinel%/2
N — \/ nt™~int / = 6,9 ~ 7
Ren(Cs + C)(1 + B)

The buffer size, assuming all equal buffers, is

ReonCi
M = \/ — SR~ 140
CG(‘I + B)Rint
Then, the buffer resistance is
12.5k )
= g0~ 00

The buffer output capacitance is:
Coar = Cor(2W + W)140 = (1fF/um) (0.6 um)140 = 84 fF
The buffer input capacitance is
Chanour = C;(2W + W)140 = (2fF/um) (0.6 um)140 = 168 fF
Each segment produces this RC delay model.
90 Q 154 Q

84 fF 143fF 143 fF =$F

II I

The total EImore delay is
Temore = 7 X [(90 Q) (84 fF + 143fF) + (90 Q + 154Q) (143 fF + 168 fF)]
= 0.67 ns '

The total delay has been cut in half using buffer insertion.

10.4 Interconnect Coupling Capacitance

In this section, the issues associated with coupling capacitance are described. The
goal is to understand the various components of wire capacitance and to develop
formulas for hand calculation. In reality, IC interconnect structure is three-dimen-
sional in nature as seen in Figures 1.1 and 1.2 of Chapter 1. However, for hand cal-
culations, we can develop simple formulae that work well in practice. Thus far, we
have been using 0.2 fF/pum for wire capacitance without really knowing its origin or
range of validity. This section attempts to clarify its origin and justify the use of this
value from a modeling perspective.

10.4.1 Components of Coupling Capacitance

In modern integrated circuits, interconnect capacitance modeling is a complex task.
The capacitance of such wires is dependent on their topology, on the distances from
other wires above or below, and on the separation between wires. To acquire a basic
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Lateral
Fringing

Area
Grounded

Substrate

Figure 10.11
Area, lateral, and fringing components.

understanding of the problem, we can use simple first-order models to describe
interconnect capacitances and derive useful constants for design purposes.

Before beginning the analysis, we describe the different components of capaci-
tance. These components are all shown in Figure 10.11. The first capacitance worth
noting is between a line and the substrate, called the grounded capacitance. This was
the dominant capacitance in the past, but its value has been diminishing due to scal-
ing effects. The next capacitance to note is between metal lines on the same layer.
This is called the lateral capacitance. This is the main coupling capacitance that is
the source of delay and noise issues. This capacitance has been increasing over the
years. There are two other capacitances that may give rise to coupling between lines.
One is referred to as the fringing capacitance which occurs between various edges
and surfaces between two crossing lines. One of many such fringing capacitances is
shown in the figure.? The other type of coupling capacitance occurs when two wires
on different metal layers overlap. It is called the area capacitance.

Over the years, coupling capacitance has been increasing while the grounded
capacitance has been decreasing. The general trend is depicted in Figure 10.12,
where the coupling capacitance due to area, lateral, and fringing components is
overtaking the grounded component as the line widths shrink. In a typical 0.13 um
design, over 70% of the wire capacitance at a node may be due to coupling between
wires. This is usually the case for long nets, although short nets may also have sig-
nificant coupling to their neighbors. Most nets have significant junction and gate
capacitances due to the logic gates that increase the overall grounded capacitance.
However, the coupling to other nodes is still significant.

To obtain a quantitative view of coupling capacitance, consider the intercon-
nect structure shown in Figure 10.13. We would like to determine the capacitance
of the center wire on a component by component basis so that it can be used for
delay and noise calculations. The capacitances associated with the middle conduc-
tor are given in Figure 10.13. The dimensions of the wires were shown earlier in Fig-
ure 10.2. The total values of area, lateral, and fringing capacitances are all indicated
in the figure. The grounded capacitance is treated as an area capacitance since the

3 Actually, there are many other fringe capacitances that are not shown in the figure to keep it simple.
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Total

Grounded

Capacitance

Coupling

Line width (um)

Figure 10.12
Coupling capacitance, grounded capacitance, and total capacitance.

Metal 2 L

Metal 1

Ground plane

Figure 10.13
Capacitances associated with middle conductor.

calculation will be the same for both. While the capacitance cannot be exactly par-
titioned as shown, we model it this way for convenience. Once computed, we sum
them together to compute the total wire capacitance. We now compute each onein
units of capacitance per unit length.

The easiest component to compute is the area capacitance per unit length.
There are two such capacitances, one from the conductor to ground and the other
from the conductor to Metal 2 above it. This is illustrated separately in Figure 10.14.
Assuming silicon dioxide with a dielectric constant of 4 is used as the insulating
material, each of these capacitances is computed as

w
Caea = SOXE ‘ (10.11)
The numerical value of this capacitance is
_ o w_ W _ w w
Cirea = Socy = 4305 = 4(88.5 X 10 4fF/,um)E = 0035 fF/pum
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Metal 2 J

Metal 1

Ground plane

Figure 10.14
Modeling area capacitance.

As W shrinks in value with technology scaling, the area capacitance reduces linearly.
In 0.18 um technology, the upper layer of metal would have W= 0.4 um and H=
0.5 wm. Therefore, C,,,, is approximately 0.03 fF/pm.

Next, we examine the lateral capacitance. This value can be complicated to com-
pute but there are two limiting situations that lend themselves to a straightforward
formula. These two situations are shown in Figure 10.15. When the conductors are

Metal 2 I
Claleral .
Metal 1
]
S=4\ S=4\
| )
Ground plane
(@)
Metal 2

Metal 1

4——4 '4—_»‘
| S =40\ l S =40M

Ground plane

(b)

Figure 10.15
Modeling lateral capacitance.
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very closely spaced by 4A, as shown in Figure 10.15a, the capacitance can be com-
puted using the parallel-plate formula:

T
Clatera] = Soxg (10-12)

The capacitance is inversely proportional to the spacing, S. Applying the dielectric
constant value to the equation:

T T T T
Clrateral = Sox g = 48, i 4(88.5 X 107*{F/um) i 0.035 5 fF/ um

In our generic 0.18 um technology, the upper layer metal has T= 0.8 um and S =
0.4 wm. Therefore, G, is 0.070 fF/um. When the conductors are spaced out by
40A as in Figure 10.15b, then G, is 0.007 fF/um and can effectively be ignored.

The last capacitance to consider is the fringing capacitance. Again, its complex-
ity prohibits any sort of simplified analysis. However, for hand calculations, it is suf-
ficient to consider two cases as shown in Figure 10.16. The first case in Figure 10.16a
consists of densely packed wires where the lateral capacitance dominates. For this
case, Cg;\.. is approximately zero. However, if the conductors are widely spaced, as
in Figure 10.16Db, there is a fringe capacitance on each edge of approximately

T
Clinge = soxln(l + —) - (10.13)
H
Metal 2 | |
Metal 1
2]
Ground plane
()
Metal 2

Metal 1 TT

Ground plane -

(b)

Figure 10.16
Modeling fringing capacitance.

Dell Ex. 1038
Page 328




462 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

Since T and H are fixed by the technology, this capacitance is almost independent
of the topology. While this is not strictly true, it is sufficient for our modeling pur-
poses here. We can compute the value of the fringing component as follows:

T , 0.5
Cringe = 8oxln(l + —I‘_I) = 4(88.5 X 10 4fF//.Lm)ln<1 + O—g>

0.025 fF/ um

Now that each of the components has been derived, we are ready to compute the
quantity G

int*
The total capacitance for the middle wire depends on whether the wires are

closely spaced or widely spaced. The case for the closely spaced wires on the upper
layers is given by

Cint = 2Chea + 2Guterat T 2Chinge
= 2(0.03) + 2(0.070) + 2(0.0) fF/pum
= 0.2 fF/pm
If the wires are widely spaced, we can use the following formulation:
Cint = 2Carea T 2Cinge T 2Cateral
= 2(0.03) + 2(0.025) + 2(0.0) fF/um
~ 0.1 ff/ um

Now consider the closely spaced and widely spaced cases for the lower level metal
lines. The case for the closely spaced wires is given by

Cint = 2C s T 2Ceral T 2Cinge
= 2(0.015) + 2(0.035) + 2(0.0) fF/um
= 0.1 fF/pum
If the wires are widely spaced, we can use the following formulation:

Cint = 2Carea + 2Cfringe + 2clatera1

IR

2(0.015) + 2(0.025) + 2(0.0) fF/um
= 008 fF/um = 0.1 fF/ um

To summarize, we have considered the 3D capacitances of deep suBmicron inter-
connect and found that upper layers of metal typically exhibit total capacitance of
about 0.2 fF/um for closely spaced lines and 0.1 fF/um for widely spaced lines. The
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capacitance of wires that are spaced between the two extremes would lie between
0.1 fF/um and 0.2 fF/um but the calculations are much more complex. However,
capacitance extraction tools are available to obtain these components accurately.
The lower levels Of metal exhibit wire capacitances of about 0.1 fF/um in both sit-
uations. Individual values of the coupling capacitances may be estimated using
Equations (10.11), (10.12), and (10.13). These first-order equations provide valu-
able insight into the origin and nature of the 3D effects. Worst-case capacitances lie
in the range of 0.2 — 0.3 fF/um. We now consider the effect of coupling capacitance
on delay and noise.

10.4.2 Coupling Effects on Delay

The RC equations given in Section 10.3 using the Elmore delay did not properly
take the coupling effects into account. A more realistic situation for delay calcula-
tion is shown in Figure 10.17 where neighboring lines are coupled together. The
grounded capacitances shown include self-capacitance, fanout capacitance, and
wire capacitance (to substrate). The coupling capacitances due to area, lateral, and
fringing effects are actually distributed along the nets. The fact that the coupling
capacitors exist between all neighboring lines implies that delay is a function of not
only what is happening on the line of interest, but also what is happening on the
neighboring lines.

To understand this effect, consider the case of two adjacent buffers driving their
respective lines with a single coupling capacitance, as shown in Figure 10.18. To
simplify the problem, we ignore the wire resistance and concentrate on the effects
of coupling capacitance on delay. The line of interest is called the victim net while
the neighboring line is called the aggressor for reasons that will become clear in
the descriptions that follow. Consider the delay associated with the switching of net
2. It is coupled to net 1 with a large capacitor C. How should the coupling capaci-
tance be handled? One is tempted to connect the other side of the capacitance to
ground while computing the delay for net 2. However, this may not be correct
depending on what is happening at net 1. The actual delay depends on whether net

Figure 10.17
Coupling capacitance between lines.
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—_ —— Aggressor

Figure 10.18
Circuit for analysis of coupling delay and noise effects.

1 is switching from high to low or low to high, or perhaps not switching at all. If it
is not switching at all, then it is appropriate to ground the other side of the capaci-
tance. This would make the total capacitance at net 2 equal to C,,,4+ C.. That covers
only one of the three possible cases that may occur.

To complete the story, we examine the total loading capacitance, C;, of net 2 for
a number of different cases. Again, if the neighboring net is stationary, then

Cp = Cgq + C. aggressor not switching (10.14)

since the adjacent net is not switching and the coupling capacitor behaves like a
grounded capacitor. If the two nets are switching in the same direction, then

Cp = Cya both switching together (10.15)

since net 2 does not have to charge the coupling capacitance. However, if net 1 is
switching in the opposite direction to net 2, then we should include the so-called
Miller effect. Since net 2 must supply twice the charge on the coupling capacitor to
compensate for the switching process:

Cp = Ggg + 2C,  both switching opposite (10.16)

Even more combinations are possible if there are more neighboring nets. For exam-
ple, in Figure 10.17, net 3 is coupled to net 2 and net 4. Obviously, there are many
combinations of switching that result in different values of its C;. In this example,
the proper value of C; must be determined after considering 32 possible cases. For n
coupled nets, there are 3” possible combinations. The result is that the delay for a
net is unpredictable as it may vary from one switching event to another. This is one
of the reasons why timing is so difficult to characterize accurately in deep submi-
cron technologies. ,

A number of layout-based approaches have been developed to cope with this
unpredictable delay, as shown in Figure 10.19. One approach is to space out the
wires so that the lateral capacitance term decreases. Equation (10.12) tells us that
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(a) Spacing —lower capacitance/larger area

(b) Shielding — higher fixed capacitance/smaller area

Figure 10.19
Spacing versus shielding to reduce coupling effects.

there is a 1/S relation between lateral capacitance and spacing, so we can reduce the
amount of coupling by spacing signals apart from one another as in Figure 10.19a.
Of course this will cost area, but it is effective when applied to a subset of the sig-
nals. Another approach is to interleave switching signals with nonswitching signals
(such as power and ground) wherever possible. This is referred to as shielding as in
Figure 10.19b. We can place well-behaved signals on either side of a signal so that its
delay may be more predictable. However, in this case the total capacitance increases
since there will always be a fixed capacitance to ground due to the shields.

Process engineers are also working to reduce the effects of coupling. Typically
SiO, is used as the insulator in most CMOS processes. It has a relative dielectric con-
stant of approximately 4. If the relative dielectric constant of the insulating material
could be reduced from 4 to 2, the coupling capacitance would be cut in half. The
pursuit of these so-called low-k dielectrics has been ongoing for years. Currently, the
relative constant is roughly 3 but there are many issues to resolve to reach the target
value of 2.

Timing verification tools can be used to obtain more accurate delay informa-
tion since they have some notion of when signals switch. These tools require input
from capacitance extraction tools that provide detailed coupling information. One
way to characterize the effective load capacitance for these tools is to create a pre-
multiplier for the coupling capacitance called a k-factor.* Each coupling capacitor
can be multiplied by this factor to adjust its value according to switching activity.
This k-factor is nominally in the range 0 to 2.

To handle coupling effects, the timing verifier would ground all coupling capac-
itances after taking the k-factors into account. While this is a simplistic solution, it
is one of the more practical approaches to coupling analysis. Figure 10.20 shows this
process for a pair of adjacent nets. The load capacitance for net 2 is adjusted by the
k-factor depending on the switching of net 1. One complication is that the k-factors
may vary over time due to the switching conditions associated with adjacent nets.
Fortunately the designer is primarily interested in the worst-case values of k since it

4 This is not the same as the k used in low-k dielectrics. This one is used to adjust capacitance values taking
into account the switching behavior. To distinguish them, we will use the terms low-k and k-factor when ref-
erencing them.
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C
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°1
k=0 switching in same direction

k=1 aggressor not switching
k=2 switching in opposite directions

IHQT

—— ECZ +kC,

Figure 10.20
Handling coupling using k-factors.

will produce the worst-case delay values. This also simplifies the analysis signifi-
cantly because it would be impractical to analyze the circuit exhaustively with case-
dependent k-factors. For example, setup and hold time checks are important for the
timing verification of flip-flops. When checking setup time, the designer uses the
maximum k-factor on signal nets and the minimum on the clock net. The opposite
settings are applied for hold time violations.

If this were not complicated enough, it turns out that the exact timing of the
aggressor and victim signals also plays a role in the observed delay. Figure 10.21
illustrates the effect of signal timing in the presence of wire coupling in a SPICE
transient analysis. The uncoupled waveforms of the victim (net 2) and aggressor
nets (net 1) are shown along with a second plot of the victim waveform when many
aggressors switch against it. Because of the early timing of the aggressors, the cou-
pling actually causes capacitive feedthrough in the wrong direction before the
proper transition begins. The resulting propagation delay in this example doubles

L8 Victim net without
BN coupling ——e
R -
Net 1 \“/ w
’

12| /-/ / Net2
~ . ’
S s
I ’
S 06]- / ,l\
S / Victim net with

,' coupling delay
S ’
00| N
“ / Agressor nets
v
-0.6 ) XAl | 1 | | | | 1 1 | | | | | 1 | 1 |
250 - 500
Time (ps)
Figure 10.21
Transient analysis of coupled nets.
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when compared to the case without any signal coupling. It is clear that the k-factor
can lie outside of the range of 0 to 2 due to feedthrough.® For the designer, the use
of structurd layout to avoid coupling wherever possible, and careful timing verifi-
cation using k-factors are the two main approaches to cope with this signal integrity
problem.

10.4.3 Capacitive Noise or Crosstalk

The second type of problem is noise injection due to capacitive coupling. This prob-
lem arises when there is a nonswitching net, again the victim net, surrounded by
aggressor nets that are switching. When the aggressor nets switch, noise is injected
into the victim line due to capacitive feedthrough effects. We have already observed
this effect during a transition in Figure 10.21. Here, we consider the case where the
victim line is quiet while aggressor lines are switching and injecting unwanted noise.
Depending on the size and duration of the noise, it may act to upset the function-
ality of a design—that is, a “soft” error may occur. Coupling noise at latch or flip-
flop inputs and in dynamic logic circuits is particularly troublesome. Specifically,
incorrect values can be captured in flip-flops, or voltage levels at dynamic nodes
may be upset due to noise injection. Noise may also propagate through logic gates,
assuming that the noise level is high enough. This can cause problems for down-
stream logic circuits, particularly for dynamic logic. Tracking down this type of
problem in a multimillion transistor chip has consumed many engineers for
months, often without success. It can also increase the power consumption unnec-
essarily.

To understand coupling noise, consider Figure 10.22 which depicts our aggres-
sor and victim nets connected only by a coupling capacitance, C.. The feedthrough
equation for the noise injected from net 1 into net 2 is

CAV,

AV, = ——1—
V2 (and + Cc)

(10.17)

Net 1
Aggressor ¢

L]
e ST

I

|||—||——

Figure 10.22
Coupling noise analysis.

5 The k-factor actually lies in the range of -1 to 3 when feedthrough is taken into account.
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where AV is the voltage transition at net 1 during a switching event. This equation
was described in Chapter 7 on dynamic logic. If the change on the aggressor net is
Vop» then the injected noise is

. C cVDD

AV, =
2 (and + Cc)

This first-order analysis is useful in obtaining an idea of the relative magnitude of
noise due to coupling capacitance. To compute the noise level more accurately, a
number of other factors must be taken into account such as the driver resistances,
wire resistance, switching times of the aggressor signals, the switching direction of
the signals, the slew rates of the signals, resistive shielding of driver, etc. Of course,
once the noise is injected, the victim acts to restore the original level as quickly as
possible. Complex situations that include these factors require detailed transient
simulation in SPICE to obtain accurate results. Linear RC simulators are also useful
for this purpose.

In practice, designers try to minimize coupling to neighboring signals to reduce
noise. This can be accomplished by spacing the signals apart to reduce the C_ term,
or by shielding signals with V,, or Gnd, thereby eliminating the C_term. These two
approaches were illustrated in Figure 10.19.

To summarize, the delay and noise effects are difficult to analyze by hand,
except for the smallest circuits. Designers must use structured design methodolo-
gies to avoid coupling effects as much as possible, especially when critical nets are
involved. CAD tools must be used extensively to identify problem areas and apply
the spacing and shielding approaches to resolve the problems. Process engineers
must continue to develop low-k dielectric material to further reduce the effect of
coupling capacitance. Ultimately, signal integrity-aware CAD tools, good design
practices, and improved dielectrics are all needed to cope with these problems.

¥10.5 InterconnectiInductance

A relatively new and even more complex issue of inductance is lurking around the
corner as we scale technology and increase the clock frequency. Unfortunately, it
may become a problem soon if not addressed properly from a design perspective. It
is interesting to note the order in which we encountered DSM interconnect issues:
first we experienced the increase in resistance; then, coupling capacitance; and now
inductance. This order of appearance was quite fortunate since each one is progres-
sively more difficult to understand, extract, or analyze than the previous one. Inter-
connect resistance is easy to understand and is confined to the metal conductor
experiencing the current flow. Coupling capacitance is an electrostatic phenome-
non between wires in a localized region around the wire of interest. It is clearly more
complex to analyze than resistance, but still a tractable problem. Inductance, on the
other hand, is an electromagnetic phenomenon and its effect is not necessarily con-
fined to a localized region. It is more complicated to understand and almost impos-
sible to extract and analyze, except for small sections. Nevertheless, we must under-
stand its effects and explore options to avoid its impact.
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The first step is to review inductance from an electromagnetic point of view.
When current flows through a conductor, it sets up an electromagnetic field around
it with a flux that stores energy. This flux is linearly related to the current, as follows:

¢ =1Li (10.18)

The proportionality constant is obviously the inductance, L, which is measured in
Henrys (H). As the current changes, the magnetic flux acts on the wire itself and
induces a voltage drop. For a linear inductor, we can take the time derivative of
Equation (10.18) to obtain
di

AV =1L I (10.19)
This equation implies that the voltage drop is zero for a dc current. That is, the
inductor can be treated as a short circuit for low-frequency operation. As the cur-
rent demand of a chip increases, the voltage drop associated with the inductor
increases. In high-speed designs, the rate of change of current with respect to time
is increasing rapidly. Therefore, inductance effects are especially important at the
package pins and in the power distribution system. We will examine this issue in
more detail in Chapter 11.

Signal lines are also beginning to exhibit increased effects of inductance. It is
important to realize that interconnect is really a distributed RLC line, not simply a
distributed RC line. As such, it behaves like a transmission line under certain cir-
cumstances. We now elaborate these circumstances and describe how the induc-
tance effects modify the delay equation. We will use R, ,, G, ,, and L, , to represent
the resistance, capacitance, and inductance per unit length, respectively. An estimate
of the inductance per unit length can be obtained from a well-known relationship
in electromagnetic theory

CintLint = EoxMox (1020)

where the insulating material is assumed to be oxide with permittivity, &, and per-
meability, w.,. This equation only applies to a conductor that is completely sur-
rounded by a uniform dielectric, but it is useful in obtaining first-order inductance
values. Assuming that C_, = 0.1 fF/um, g, = (4)(8.85 X 107! F/cm) and p, =
12.6 X 1077 Wb/amp, then L, = 0.45 pH/um. This is a very crude estimate but
does provide the correct order of magnitude for inductance.

In Figure 10.23, a lumped model of the RLCline is shown. We can analyze this
simple circuit to develop some intuition before proceeding on to the distributed
line. First, consider the complex impedance associated with the resistance and
inductance of the signal line

Zy =R+ joL (10.21)

where w = 27f is the signal frequency in radians/second. If R > jwL, then Equa-
tion (10.21) tells us that inductance is not important. If R< jwL, then inductance
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—W- T
I

Figure 10.23
Lumped model of RLC interconnect.

effects will be observed in the signal line. In the past, the resistance was larger than
the reactive component so that RC effects were dominant. In recent years w has been
increasing significantly in very high-speed designs to the point where the reactance
term is important. At the same time, process engineers and designers have been
working to reduce wire resistance. First, the resistance of the metal lines has been
reduced with the introduction of copper as a replacement for aluminum. Second,
certain signals use very wide wires to lower the resistance significantly. This reduc-
tion in resistance combined with an increase in the operating frequency has made
the reactive term non-negligible in certain signals. Interestingly, while inductance
values have not increased over the years, the increase in frequency and decrease in
resistance have combined to raise concerns about inductance.

The above analysis is somewhat localized to the interconnect itself. When con-
sidering the significance of inductance, it is important to consider both wire resist-
ance and the on-resistance of the buffer driving the wire. In most cases, the buffer
resistance is very large (on the order of kilo-ohms) and will dominate. That is,

Roufter + Ryyige > jwlL

Therefore, we should be able to ignore self-inductance for most signals on the chip.
Of course, if the buffer is large and the wire is wide, we would have

Ryutter + Ryire < jwL (10.22)

and inductance would be noticeable. This is most prominent in clock lines. There-
fore, the delay should be computed using RLC delay equations.

Next, we include capacitance in the analysis. The lossless transmission line of
Figure 10.24 has inductance and capacitance but no resistance. It is driven by a volt-
age source V with a source resistance of R;. Since the interconnect has no resis-
tance, it can be represented by a characteristic impedance of Z; given by

L.

t
ZO — _int
Cint

When we apply a step input to the interconnect, the response depends on the rela-
tive values of Rgand Z,. When the resistance is much greater than the characteristic
impedance, i.e., Ry >> Z;, the RC effect will dominate the transient response. We
expect an exponential response given by

Vou (f) = 1 — €7/
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Figure 10.24
Responses of RLC interconnect.

As shown in the figure, the propagation delay, #,, and rise time, t,, are rather large.

However, if Ry < Z,, inductance effects will be important and we obtain an
oscillatory response within an exponential envelope. The response has a general
form given by '

Vou(t) = 1 — re"cos(bt + ¢)

where 1, a, b, and ¢ depend on the RLC values. The figure illustrates the nature of
the response. Note that ¢; and ¢, are much shorter in this case, but the tradeoff is a
relatively large overshoot and undershoot of the waveform, and a longer settling
time, t,. These delay values can be computed from the response equation above.
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Finally, we consider a lossy transmission line where distributed effects are taken
into account. For this case, the length, , of a distributed RLC line plays a role in
whether it exhibits the effects of inductance. In particular, as a signal propagates
down the wire, it experiences a certain degree of attenuation due to wire resistance.
When it reaches the end of the wire, it reflects off the load impedance and propa-
gates back toward the source. This reflected signal is also attenuated as it travels back
down the wire. The interaction of the forward and backward propagating signals
leads to the ringing effects observed in Figure 10.24. If the wire is very long, then
inductance effects will not be observed due to signal attenuation. A standard deri-
vation can be used to find the maximum length at which inductance effects occur

2 Lint

—_ (10.23)
Rint Cim

e <

Qualitatively, this tells us that as the resistance per unit length increases, the length
over which inductance is important decreases.

The transition time of the signal at the output of the buffer also controls the
transmission line effect. If the round-trip of the signal down the line and back to the
buffer is short relative to the rise time, it does not have a significant transmission
line effect. The round-trip time is given by

tround—trip = 2T0 =2V Lintcint (1024)

The quantity T, is referred to as the time-of-flight. If the rise time (or fall time) is
shorter than twice the time-of-flight, we will observe the transmission line effects.
Therefore, we require that

t, < 2IVL,Cint (10.25)
In terms of ], this translates to a minimum length of

t,

>
b 2V L Cige
Combining the results of Equations (10.23) and (10.26), we find that -

(10.26)

i 2 Lint
——<I< — /= 10.27
2V LintCint Rint V Cine (1027)
This result tells us that the wire must be larger than the length specified by
t,/2V Lin:Gy, but smaller than the value specified by (2/R;y,) VLin/Ciy for induc-
tance to be important in delay calculation. We should view these results as being
more qualitative than quantitative since the terms in the equations are difficult to
compute with great precision. Furthermore, the effect of buffer resistance must also
be considered to obtain accurate results.
What makes the inductance problem particularly difficult is that, fundamen-
tally, inductance can only be defined for a closed current loop, not simply for a seg-
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ment of wire. The inductance of the loop is proportional to the area of the loop.
Knowing the forward path of the current is not sufficient; the return path must also
be identified. This is not easy to determine for most signals. In the past, the return
path was assumed to be in the substrate. For high-speed designs, the return path
often occurs in the power and ground distribution systems, and even in other sig-
nal lines. Worse yet, there may be multiple return paths, some through
power/ground rails, and others through signal lines that are not close to the signal
of interest. The extraction of inductance values is difficult since the effect of induc-
tance is not confined to a localized region around the conductor.

More problematic is mutual inductance since it causes noise and delay effects on
unsuspecting neighboringlines in unexpected ways. This type of problem is a grow-
ing concern for most integrated circuit designers, as it is difficult to extract and ana-
lyze. Mutual inductance refers to time-varying current in one line giving rise to a
voltage drop in a second line. Two RLC lines are coupled via mutual inductance, as
follows

Ty dt
, (10.28)
"2 dt 2 dt

where L, and L,are the self-inductances of the two wires and M is the mutual induc-
tance between the two wires. When a current flows in one line, it induces a return
current in the other line due to its mutual inductance. The voltage drop on each line
is the sum of the drop due to its self-inductance and its mutual inductance with the
other line. This effect can occur over distances of 100 wm or more and create func-
tional failures that are intermittent in nature. The details of mutual inductance
effects, while important in future technologies, are beyond the scope of this book.
The interested reader is encouraged to consult the references at the end of this chap-
ter for further information.

To summarize, self and mutual inductance effects have been observed most fre-
quently in clocks and busses. Clocks are prone to self-inductance effects whereas
busses are more likely to experience mutual inductive effects. To limit the effects of
self-inductance, wire lengths can be kept within the boundaries suggested by Equa-
tion (10.27). For mutual inductance, shielding techniques of the form shown in Fig-
ure 10.19 can be used to limit its effects.

¥10.6 Antenna Effects

Another important issue associated with interconnect is the antenna effect. This is a
reliability issue that may destroy the thin-oxide of transistors during fabrication or
modify the threshold voltage of devices. During the fabrication process, charge builds
up on each metal layer during plasma etching, sputtering, or chemical-mechanical
polishing (CMP). This phenomenon is referred to as an antenna effect since charge is
attracted to each metal layer like an antenna. Since Q= CV, the accumulated charge
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creates a potential difference across the gate oxide of a MOS transistor. When too
much charge accumulates on the gate, the voltage drop across the oxide damages the
transistor by shorting the gate to the substrate. A less dramatic, but still undesirable,
effect is a shift in the Vi due to injection -of mobile carriers into the oxide through
Fowler-Nordheim tunneling.

The antenna effect manifests itself as an interconnect design issue since the
metal layer selection and routing determine the impact of this phenomenon. When
Metal 1 is processed, its charge buildup is rather small since the lengths of the wires
associated with Metal 1 tend to be short. As we add more and more layers, the area
tends to increase since the wires are longer and thicker. Higher levels of metal have
more surface area and therefore accumulate more charge, so they tend to be more
troublesome with respect to the antenna effect. If a transistor survives the process
on a given layer, that layer does not play as significant a role in the antenna effect
during subsequent processing operations. Therefore, we usually assess antenna
problems for each metal segment in each layer separately.

The antenna rules specify maximum allowable ratios of metal (or poly) area to
gate area for each layer. ‘

Areametal

Antenna Ratio = ————— (10.29)
Areag,,

For example, if the antenna ratio is set to 100, the area of a metal line would have to
be 100 times larger than the gate area for an antenna rule violation to occur. There
is a different ratio for each metal line. The design-rule checking (DRC) tools can
check to see if each wire segment on each layer causes a violation, and flag those that
are potential problems. For threshold voltage shifting, all metal layers connected to
a gate need to be combined to obtain Area_,,, in Equation (10.29).

An example of the antenna effect is shown in Figure 10.25. Relative to the indi-
cated device, poly, Metal 1, or Metal 2 may act to damage the gate region. For exam-
ple, when Metal 1 is deposited and polished, charge develops on it and builds up a
potential difference that could damage the oxide of the indicated transistor. If it tol-
erates the voltage level, then the corresponding Metal 1 segment is not considered
to be a problem in the rest of the processing sequence. However, when the next layer
of metal is applied, the corresponding charge on this second layer alone is checked
against its antenna ratio. A more conservative approach recognizes that process
induced damage is a cumulative effect. In that case, the total area of poly + Metal 1
+ Metal 2 is divided by the gate area for the antenna check.

A number of different approaches have been used to avoid antenna effects. First,
the insertion of diodes along the wire can be used to discharge the metal lines dur-
ing the processing sequence. This approach is illustrated in Figure 10.26 where a pn
junction has been connected to Metal 1. The job of this diode is to discharge each
layer of metal as it is deposited so that the transistor does not see any significant volt-
age drop. It is reverse-biased and harmlessly removes charge as it accumulates.

The use of antenna diodes is very effective but presents some practical prob-
lems. Diodes cost area and their location must be decided based on the metal struc-
ture. Ideally, the diode should be near the transistor gate as shown in Figure 10.27.
There is already a reverse-biased junction at the output of the inverter, but the
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Figure 10.25
Antenna effects during IC processing.
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Figure 10.26
Antenna diodes to discharge metal lines.
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Should put antenna
T_I?_me ber
1 I

Keep area of upper layer metals
small near next transistor

Junction diode

Figure 10.27
Proper placement of antenna diodes.

antenna diode is needed near the transistor gate as shown. Note that as each layer
in the example is deposited, the far-end transistor must be able to handle all the
charge accumulation on each successive layer in this configuration. Therefore, the
far-end metal lines must be kept short or we must place diodes near the transistor.
However, it would be too expensive in terms of area to place diodes near all transis-
tor gate inputs, or embed the antenna diodes inside cell libraries. It should only be
used where absolutely necessary. This involves a complete DRC verification of the
entire layout to identify the locations that are appropriate. The second issue is to
define the area of the diode. This depends on the area of the metal segments that it
supports. If large diodes are used unnecessarily, area may be compromised.

A second approach is to break up long wires with buffer insertion. This will
reduce the total area available for charge accumulation and increase the transistor
gate area, thereby reducing the total charge on each metal line. Of course, such a
process is already carried out as part of reducing the RC delay, but we obtain a side
benefit of a reduction of antenna effects. We must still verify that no segment cre-
ates a problem, but we will definitely reduce the number of violations after buffer
insertion.

A third approach is to create metal jumpers from one level to the next to break
up the lines near the far-end of a wire. This is illustrated in Figure 10.28. In this case,
we show a Metal 1 wire that violates the antenna ratio. A seemingly unnecessary jog
to Metal 2 is introduced near the gate of the transistor to avoid the total charge of
Metal 1. Recall that, when the processing steps are applied to introduce the vias, the
charge of Metal 1 is removed. Therefore, the transistor will only experience the
small charge from the Metal 2 segment. The additional resistance and capacitance
of the vias and Metal 2 segment are usually negligible.

In summary, the proper solution to the antenna problem depends on the phys-
ical design methodology, tools, and engineering tradeoffs associated with the
design. All of the above solutions are viable if carried out with careful considera-
tions of the tradeoffs. In advanced processes, diode and buffer insertion appear to
be most helpful. Hopefully, tools of the future will automatically take care of this
issue on behalf of the designer.
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Figure 10.28
Metal line jogs to avoid antenna effects.

10.7 Summary
Interconnect data:
(a) 0.18 um 5-layer aluminum process: p = 2.7 u{d-cm; Metals 1-4, T=

0.5 pum, H=0.5 um, W, = 0.3 um; and Metal 5, T=1 pum, H= 0.5 pm,
Wiin = 0.4 um

(b) 0.13 pm, 8-layer copper process: p = 1.7 u{)-cm; Metals 1-6, T= 0.4 pm,
H=05 pum, W_;, =0.2 um; and Metals 7-8, T= 08 um, H= 05 um,
Wiin = 0.4 um

Wire resistance calculations:

pL  pL p ( L )
=== p.=£ R=pRr/[:
A ™W N W
p 2.7 u-cm
R,=r= = -
9= T 05 1 54 m{}/00 Al Metals 1-4
p 27 ufd-cm
Ry, = T= 1o " =27 m(}/00 Al Metal5
p 17 u-cm )
== _
R, T 04 42 m(/00 Cu Metals 1-6
L7 -
R, = LA e -n m{}/00 Cu Metals7-8
T 0.8 wm

Elmore delay calculation:

T = Ek (Ce X Ry)
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Optimal buffer insertion:

N b fst N \/ RintC‘intI’z/2
umber o1 stages =
8 Reqn(c] + CG)(I + B)

Reqncint
Size of buffers M =./—"—"""—
Cs(1 + B)Rin,

Coupling capacitance:

C area = 8OX

vl oS

Clateral = Eox

+

_ T
Cﬁ'inge = &ox In{ 1 E

Coupling capacitances in delay calculation:

Cp = Cgq + C,  aggressor not switching
CL= Cgu both switching together

C, = Cgq + 2C.  both switching opposite

Crosstalk noise:

CAV,

AV, = ——L_
V2 (and + Cc)

Self-inductance:
di
= L —_—
AV ot

Mutual inductance:
di, di,
we= LGt My

di, di

=M1+
Y2 dt 2 dt

Conditions where inductance should be considered in delay calculation:

Rbuffer + Rwire < ]wL

i<l
2VLC RV C
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Antenna rule:

. Are etal
Antenna Ratio = ——
Areag,,
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PROBLEMS

P10.1.

P10.2.

P10.3.

P10.4.

Compare the resistance of a 20 mm Metal 5 wire in 0.18 wm technol-
ogy with a 20 mm Metal 8 wire in 0.13 wm technology (a non-scaled
wire). Use the information provided in the Summary section. Com-
pute the delay for each wire assuming an ideal source and a wire capac-
itance of G, = 0.1 fF/um.

Compare the resistance of a 20 mm Metal 5 wire in 0.18 wm technol-
ogy with a 14 mm Metal 8 wire in 0.13 um technology (a scaled wire).
Use the information provided in the Summary section. Compute the
delay for each wire assuming that the wire capacitance is C,, = 0.1
fF/pum.

Two adjacent Metal 5 wires in 0.18 wm technology are spaced outfrom
4A to 40\ in 4A increments. Plot the capacitance per unit length of
these wires as a function of spacing, assuming that they are shielded
above and below. Use minimum width dimensions for the wire.

Simulate a distributed RCline as an RC ladder circuit in SPICE with
1 stage, 3 stages (as shown in Figure P10.4), and 20 stages. You can
choose your own sizes but ensure that the total resistance and total
capacitance are the same in all three cases. Measure the propagation
delay for the three cases when a step input is applied at the source.
Derive a delay formula of the form:

T= aRwireCwire

and compute « for the three cases. Comment on the results.
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R Ry Ry

Source o—WT—WyTW——-I-—-O Output
C I C C. I

1 2 3

Figure P10.4

P10.5. Repeat the same experiment as described in Problem P10.4 but this
time use each of the following three models shown in Figure P10.5 in
place of the RC ladder. Which model produces accurate results?

L-model IT-model T-model

Figure P10.5

P10.6. Simulate the RC circuit shown in Figure P10.6 using SPICE. Set R, =
R,=R; and C, = C, = C,. Compare the Elmore delay with the delay
derived from SPICE. How accurate are the results for each node using
Elmore? Explain why any particular result is not accurate.

R @
ON
R R, @ lq

LML
L1

Figure P10.6

P10.7. Wires can be placed into short, medium, long, and very long cate-
gories. Establish rules of thumb for a Metal 5 wire in 0.18 um tech-
nology that quantify each of these categories based on the following
definitions:
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(a) Short wires do not require any resistance or capacitance calcula-
tions if they contribute less than 5% to the delay. What is the max-
imum short wire length?

(b) Medium wires must include capacitance in the delay calculation,
but do not require any resistance information. What is the maxi-
mum medium wire length?

(c) Long wires require both resistance and capacitance information
but do not require buffer insertion. What length of wire can
remain unbuffered?

(d) Very long wires require buffer insertion.

Figure P10.8 shows a circuit that has two interconnect lines with a
large coupling capacitance between them.

(a) Estimate the peak value of noise on the victim line when the
aggressor line switches by 1.8V.

(b) What is the effective capacitance loading on the victim for delay
calculation if the aggressor switches in the opposite direction of
the victim?

Net 1
— ——1—— Aggressor

SOfF
I

= 100fF

Net2 L.
— ~—— Victim

60fF
L

Figure P10.8

P10.9.

P10.10.

P10.11.

For a 0.13 pm technology, estimate the range over which inductance is
important assuming a Metal 8 wire. You can assume typical numbers
in the given technology. How does this range compare against the crit-
ical length in the same technology? (See Section 10.2.3.)

The amount of noise injected on a wire depends on the strength of the
driver, rise time of the aggressor, as well as the percent of the total
capacitance that is due to coupling. Create a simple RC model based
on Figure P10.8 that you can use to help you estimate the size of noise
caused by the coupling.

Compare the number of repeaters required in a 0.18 wm technology
versus a 0.13 um technology for a 10 mm wire. Use the top layer of
metal and the standard technology parameters to compute the numbers.
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P10.12. Consider an 18 mm Metal 7 wire in a 0.13 wm technology. Assume the
wire is 04 wm wide and 0.8 wm thick with a spacing to adjacent wires
of 2 wm. The height above and below to Metal 8 and Metal 6 is 0.5 wm.
Assume Cu for interconnect (p = 0.017 £)-um) and a low-k dielectric
material (€, = 3.0). Assume a worst-case coverage of Metal 6 below,
Metal 8 above, and Metal 7 for adjacent lines that are shielding the wire
of interest.

(a) Compute the resistance per unit length and capacitance per unit
length for this wire.

(b) Estimate the delay of the distributed RC wire, assuming that the
driver is a perfect voltage source and that the load capacitance is
50 fE.

(c) Assume that the wire is being driven by a 25X inverter. What is the
new delay?

(d) Now, assume that the inductance is 0.5 pH/um. Will the induc-
tance be a factor in the delay calculation for this buffer size? Com-
pare hand analysis with results in SPICE.

(e) Now remove the 25X buffer and perform buffer insertion on this
wire using the standard formulas. Should inductance be a factor
for the new wire lengths? Compare your hand analysis with results
from SPICE.
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11.1 Introduction

In this chapter, we address two chip-level design challenges that are dominated by
interconmect issues: power and clock distribution, Here, the word poweris intended
to mean the power and ground distribution systems, which include V,; and Gnd
{or V). The power supply, up to this point in the book, has been assumed to be a
constant value that is available everywhere on the chip. However, it must actually be
routed from the power pads to the gates, memory circuits, and aBl other functions
on the chip. Furthermore, its value fluctuates over time, depending on the switch-
ing activity on the chip. These variations in the voltage must be tolerated by the
gates on the chip. The same applies to the clock signal, It has been assumed to be
avatlable at all required points on the chip with a well-defined clock pericd. How-
ever, it too must be routed from the clock source or root node to the appropriate
destinations inside the chip. It also has some variability in its period and arrival
times across the chip that must be tolerated by the logic circuits.

Power distribution and clock design are now complex tasks that must be done
with great care in deep submicron technology. Gone are the days of simply laying
out metal tracks for the power supply or running a clock signal to all the flip-flops
in the design. Today, many issues come into play and affect the integrity of the
power grid or the clock network. This chapter addresses many of these issues,
although it is difficult to completely describe all of the issues and their interactions
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in a single chapter. The chapter will highlight the interaction of the power system
with the clock design. Many design groups work on pewer system and clock design
together so that the complete problem is properly addressed. We will also address
clock generation and phase-lock loop {PLL) circuits as part of this chapter.

11.2 Power Distribution Design

Power distribution, when considered in its entirety, actually involves on-chip and
off-chip issues starting from off-chip de-dc converters, printed circuit boards
{PCBs), power planes, packages, sockets, power pins or solder bumps, and finally
the connection to the gates. Proper power grid design requires interaction of system
designers, thermal designers, system architects, board designers, and chip designers.
The problem demands global optimization rather than localized chip-level opti-
mization. This section will focus on the chip-level issues, but the reader should keep
in mind that this is only one part of the complete design problem.

Much of the complexity of power distribution systems arises due to the large
number of transistors on a chip, the RLC nature of interconnect, the frequency of
operation, and the current demand of high-speed circuits today. The highest fre-
quency of operation is well over 1 GHz, while power has exceeded 100 W and cur-
rent levels have reached 100 A in state-of-the-art designs. Meanwhile, supply volt-
age scaling to reduce power has led to Vp, values of 1.2 V and below. Fluctuations
in the power system at these levels lead to timing variations and, eventually, design
failure. Allowable voltage noise in the supply is budgeted at £10% X (Vpp — Gnd}
as a rule of thumb.

In order to manage fluctuations, the total impedance seen from the Vpp, pads to
the gate connection must be controlled based on the needed current. The target
impedance of the power grid as seen from the pads is given by

7 Vpp X {fractional noise budget}

{(11.1)

EE}D

For a supply voltage of ¥ = 1.2V and a supply current of I, = 100 A, Z =
1.2V % (16%)/106 A = 1.2 m{). This is an incredibly small number to achieve over
the gigahertz frequency range and makes power distribution design very challenging.
The noise on the supply is primarily due to IR drop and Ldi/dt as will be
explained later. At this stage, it is sufficient to realize that voltage drops occur on the
power grid due to the resistance and inductance along the current path. These volt-
age drops affect clock skew, gate performance, and clock and PLL timing jitter.
There are also issues of power grid electromigration that affect long-term reli-
ability. The metal migrates due to the eroding effects of large currents and eventu-
ally breaks. Ultimately, the power systemn design will limit the system performance
and may lead to failures in the field. Therefore, it must be designed carefully to avoid
such potential problems that are collectively called power integrity issues.
,  One approach that has been used in the past is to overdesign the system to avoid
any potential failures. Overdesign is a term used often by designers when design risks
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are removed by going well beyond the needed safeguards and recommended guide-
lines. One example of this is the use of decoupling capacitance on the chip to con-
trol IR and Ldi/dr. In the case of overdesign, most of the available area would be
committed to decoupling capacitance rather than to devices. However, there is a
large area penalty associated with this overdesign {and an even larger one for under-
design—nonworking chips!) so it is important to understand the key issues and
make the proper tradeoffs wherever possible. With this brief overview, we now
describe the main issues in power system design and then examine a few basic struc-
tures of the power distribution system.

11.2.1 IR Drop and Ldi/dt

The conditions contributing to the complexity of power distribution systems are
primarily due to interconnect and its impact on chip performance. IR drop due to
resistance on Vy, lines impacts overall timing and functionality. These effects are
made worse by the presence of Ldi/dt voltage variations at package pins due to the
increased rate of change of current in high-speed designs. Together, the total volt-
age drop at any point in the power grid is given by

di

V=IR+ L—
R dr

(11.2)

We consider each of these effects separately starting with IR drop. The basic concept
of IR drop is illustrated in Figure 11.1, which depicts two large buffers connected to
a resistive power supply. Initially, all voltage levels in the power grid are at V. As
the large driver, inv2, begins to switch, the demand for current reduces the voltage
in the power grid. Specifically, the wire resistance creates voltage drops that increase
as the current moves from the external supply toward inv2. The voltage remains rel-
atively high near the V, connection at the periphery of the chip, and drops by AV
at the connection to invZ. In practice, IR drop is caused by simultaneous switching
of dock buffers, bus drivers, memory decoder drivers, etc. These simultancous

H supply

Yoo i Vpp— AV
W |

oo C {: _Lﬂ

L+ 11 L1

invl inv2

Figure 11.1
IR drop in power distribution system.

Dell Ex. 1038
Page 352



486 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

switching events can occur anywhere on the chip and, therefore, all regions are sus-
ceptible to IR drop violations. The ground grid is subject to the same type of prob-
lem when the outputs switch low, except that the value will increase in voltage. This
is sometimes referred to as ground bounce.

Voltage drops on the power grid primarily affect timing, The effect of IR drop
on performance can be significant. IR drop reduces the drive capability of the gates
and increases the overall delay. Typically, a 5% drop in supply voltage can affect
delay by 10-15%, or more. Such an increase becomes serious when managing clock
skews in the range of 100 picoseconds. In the previous chapter, we found that path
delays are no longer predictable due to interconnect issues. This problem is exacer-
bated by IR drop. Ideally, timing calculations should acceunt for worst-case IR drop
to ensure 2 working design. The analysis can be carried out using process corner
simulation, as described in Chapter 3.

IR drop also compromises the noise margins of logic gates, due not only to volt-
age drop in the power grid, but also to the increase in voltage in the ground grid.
Once the noise margins drop below the budgeted amount, typically 10%, the design
is not guaranteed to operate properly. Over the years, supply voltage has been
shrinking to avoid transistor punch-through conditions, hot-electron effects, and
device breskdown, More recently, Vp, scaling has been driven by the need fo reduce
power dissipation rather than the other issues, Either way, this has resulted in
smaller and smaller noise margins. With IR drop, the margins are reduced even fur-
ther which makes it more difficult to manage the effects of interconnect coupling
noise in a muitimillion-transistor design.

Now consider the Ldi/dt term of Equation (11 2. This is another source of vol’t—
age drop in the power supply due to package pin inductance—typically around
1-2 nH. The inductance arises from the bonding wire used to connect the chip VO
pads to the lead frame in a traditional dual-inkine package (DIP), as in Figure 11.2a.
While the inductance L has not changed significantly over the years, the value of
dildthas continued to increase and the supply voltage has been decreasing from 5V
te 3.3V,2.3V, 1.8V, and recently 1.2 V and below. These trends have reached a paint
where the Zdi/dt drop can contribute significantly to an overall voltage drop in the
power grid, especially in peak demand situations.

Today, many companies have moved to a ceramic bail-grid array (BGA) pack-
aging due to the high number of chip /O and power and ground connections
needed. In this packaging technology, solder balls or bumps replace the pins of the
DIP as shown in Figure 11.2h. The bumps can be placed anywhere in the chip area
and allow 300 to 300 I/O connections, This is a more expensive sclution but must
be used whenever the I/O count exceeds the capacity of the previous packaging
technologies. The inductance of each solder bump is of the order of 0.1 nH.

Consider the example of Ldi/dt on the BGA package option shown in Figure
11.3. Here, the power supply is driving a few large inverters and we assume that the
resistance of the line is zero. The inductances of interest are the ones due to the soi-
der bump and via connecting from the bump and the package plane (providing
clean power). A current level of 25 mA is supplied by Vp, and flows into the circuit
over a 100 ps time interval. At this same time, some of the buffers are discharging
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{a) Dual-infine packaging

Flip-chip solder bumps Chip
» - j LSoider balls
Ceramic base /;’//
QROBOORBOHQLETTE
Board

{b) Ball grid array packaging

Figure11.2
Chip packaging options.

Package via
and bump
Vo —en T
82 nH i

Ves —¥y |
GZnH

Figure11.3
Effect of off~chip Inductance.

through Vi with roughly the same level of current in the same time period. If the
bump and via generate 0.2 nH of inductance, then the total voltage drop due to the
inductance on both rails is

i 25 mA
Vi=2XILZ =72 %020H X = 100 mV

dt 100 ps

This is a significant drop considering that the supply voltage may only be 1.2 V. Fur-
thermore, this is only one of the voltage drops to consider. If the inductance of the
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Figure 114
Combined resistive and inductive effects of powerfground system.

power system is included, we will begin to observe Ldi/dt effects due to the power
grid itself, in addition to the pin inductance. We also neglected the resistance of the
power grid, and the fact that many other buffers may be switching at the same time.

The overall voltage drop due to both Ldi/dr and IR, which are both dynamic
phenomena, requires the modeling approach shown in Figure 11.4, The packaging
inductances, power grid inductances, and power grid resistances must all be con-
sidered together with an REC medel of interconnect. Of particular concern are sit-
uations that give rise to simultanecus switching noise {SSN} where many buffers
switch together producing large IR drops and ground bounce,

11.2.2 Electromigration

The high currents experienced in the power grid also induce electromigration (EM)
effects where metal lines begin to migrate and eventually break during the opera-
tion of the chip. The process invelves the migration of metal molecules due to the
high current densities and narrow line widths leading to a short or open in the metal
line. Once this occurs, the chip may not function as expected or may no longer meet
the timing specifications. Existing cracks or other imperfections in the metal lines
are particularly prone to this problem since they are already weak links in the power
system. Failures due to EM can be catastrophic because they occur in the field when
the chip is in a system and in a customer’s hands.

An example of an electromigration failure is shown in Figure 11.5. In the past,
low current densities and wide metal lines, combined with special processing,
reduced the likelihood of EM. As we exceeded speeds of 100 MHz, and reached
geometries below 0.8 wm, the potential for EM problems increased in aluminum.
One of the reasons for switching to copper was its superior performance with
respect to electromigration. Cu is approximately 10 times better in terms of EM
than Al, but Cu diffuses quickly through oxide and it was not used in ICs because
of this problem. However, advances in processing technology te solve this problem
led to the eventual switch from Al to Cu. Initial EM results of Cu indicate that it is
shightly better than Al, but large improvements are expected as the technology
matures. Unfortunately, today the copper vias experience a greater degree of EM
faitures compared to the tungster: vias used with aluminum.
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Figure 115
Electromigration failure in power bus,

Electromigration in the power grid is a function of the average current flow in
metal lines and vias. Current flows primarily in one direction in each power bus,
since it is delivering current from the power pad to the gate in the case of Vj, (see
Figure 11.1). Therefore, it is called 2 dc phenomenon. To assess the EM tolerance of
a piece of metal, we can exarnine its average de current density, [, and compare it to
some allowable level, J .., when EM failure occurs. Since metal lines vary in height
and material properties at different levels in the design, each metal layer may have a
different failure criteria. :

It is useful to characterize the lifetime of a chip due to long-term reliability
problems through a metric called the mean time to failure {MTTF). If the value of
MTTF is 5-10 times greater than the expected lifetime of the product in which the
chip is embedded, then we can safely ship the design to customers. However, if the
chip lifetime is less than the product lifetime, improvements to the design must be
made. Black’s law is used to estimate MTTF of a metal line using the average cur-
rent density, J, and the activation energy! of the failure, AH:

MTTE = %exp(Akan {11.3}

! Blectromigration Is madeled as a diffusion process that is thermally activated 2t a given energy level, The acti-
vation energy depends on the diffusion mechanism, either through the lattice (AH = 1.4 V) or across the
grain boundaries {AH = 0.6 gV,
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Here, MTTF is the median time to failure in an ensemble of samples and A is an
empirical fitting coefficient, The MTTF is inversely propertional to F and is very
sensitive to temperature. For a target MTTE the value of J,,,, can be determined
from the equation in units of amperes/cm?. A typical value of J,,, is approximately
10° A/cm?, or 10 mA/am?. This value is compared with the actual current density
in each segment to evaluate the potential for eleciromigration.

Exampile 11.1 Use of MTTF to Establish Maximum Allowable Current Density
Problem:

A design has a required lifetime of 10 years, Measurements for Al electromigration
using an accelerated testing method indicates that A = 2 X 107 hr-cm?/ampere
and AH = 0.85 V. What is the maximum allowable current density in Al intercon-
nectat 125°C7 -

Solution:

The MTTF is the time at which 50% of the parts will fail, that is, t5,. For a desired life-
time of 10 years, the MTTF should be 5-10 times larger than this value. We will use
a factor of 10 to be on the safe side:

tp = MTTF = 10 X 10years X 365 days X 24 hours = 8.8 X 10° hours

Using Equation (11.3), we can solve for £ ¢

J, —\/f'_ex (ﬁ} _ [209) ex ( C85ev )
moc =\ 5 P\ ) T VBe(10%) T\ 862 X 10%eV/°K(398°K)

= 8.95(1C")A/em’

This value can be used as the maximum telerable current density for electro-
migration.

The current density in each wire segment is computed using the wire dimensions

g 114
WX T (11.4)

javg =

where W is the wire width and T is the wire thickness. The criterion for electromi-
gration failure is

g = Jrons (115}

This comparison must be performed for every segment and via in the power grid to
identify those nets that are prone to EM failure in the prescribed lifetime. Failing
metal segments and vias must be modified, typically by adjusting the wire width
according to Equation (11.4), until condition (11.5} is no longer violated. Not all
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EM failures must be fixed since a break in the metal line does not necessarily mean
that the part will fail. However, it may increase the likelihood of failure in other
branches since there are usually many different current paths to each gate. The fail-
ures should be ordered in some manner, and then fixed in that order, until the prob-
ability of failure is below some predetermined threshold.

11.2.3 Power Routing Considerations

Integrated circuit power distribution systems are designed to provide the needed
voltages and currents to the transistors that perform the logic functions of a chip.
IC designers must design power systems with Equations (11.2) and (11.3} in mind
for reliable operation. A complete picture of power grid integrity can only be
obtained when effects such as IR drop, ground bounce, Ldi/dt, and electromigration
are considered together. These are fuli-chip issues that must be addressed by inter-
connect verification tools that have the capacity and performance required to ana-
lyze detailed representations of the chip in a reasonable time. We will leave these
higher-level issues to CAD tools and vendors. Instead we will focus on the methods
needed to avoid these types of issues,

Initially, one can make estimates of the IR drop and Ldi/df from R, C,and L cal-
culations. Designers typically compute resistance along a conducter by counting the
number of squares along the line and multiplying by the sheet resistivity. Similarly,
the capacitance along the line is computed by multiplying the length of the line
times the capacitance per unit length. Inductance can be estimated for the bonding
wire or solder bumps, and crude estimates can be obtained for the power lines.
Using this information and the expected current levels and rates of change, the
anticipated voltage drops can be computed, along with electromigration lifetimes.
Carrying out this type of analysis for 2 whole chip is difficult so rules of thumb have
emerged to help guide the power grid design. Thase rules are associated with the
metal width needed to keep the resistance low enough for the expected current lev-
els and current densities.

A simplified method of power distribution is illustrated in Figure 11.6. The
outer ring is V,, and the inner ring is Vg, The power and ground straps are routed
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Figure 11.6
Large Block fevel power distribution.
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Figure 11.7
Power routing options.

vertically and interleaved so that at the lowest level they can be connected to the
gates at the appropriate contact points. Of course, this type of routing does not fully
account for the different types of blocks at the lower level, such as memory, logic,
clock, and bus drivers, that may be connecting to the supply. However, the general
idea of distributing power routes around the chip is conveyed in this diagram.

The power distribution system should be designed to route current to the gates,
taking into account IR and EM. This requires a more careful consideration of the
routing methodelogy. For example, consider the two blocks in Figure 11.7a. If power
is routed through Block A to Block B, a larger IR drop will occur in Block B since
power is also being consumed by Block A before it reaches Block B, As more and more
blocks are added, the complex interactions between blocks determine the actual volt-
age drops. The placement of these blocks is typically based on the timing require-
ments of the system or the size and shape of blocks at the floor-planning stage. There-
fore, sizing the power buses properly to minimize IR drop, while satisfying the
required timing and area consiraints, is a key design challenge.

The power busses could be widened to lower the resistance of the lines as in Fig-
ure 11.7b. The large metal trunks of power have to be sized to handle all the current
for each block. Although routing power in this way makes it easier to manage IR
drop, it also requires more area to implement. This forces designers to set aside large
areas for power busing that takes away from the available global signal routing area.
Since the same routing tracks are used for clocks, busses, and other global signals,
the tradeoff between power and signal routing must be carefully managed.

Other alternatives are shown in Figure 11.8. In Figure 11.8a, current is delivered
from both ends of the block thereby minimizing IR drop in the middle. Since the
total IR drop is based on the resistance seen from the pin to the block, one could
route around the block and feed power to each block separately as shown in Figure
11.8Db. Ideally, the main trunks should be wide enough t¢ handle all the current
flowing through separate branches. However, the T-junctions have a high current
density as carrent crowding occurs around the bends. It js important in this type of
grid to examine the current density at all jurictions, especially the corners, tc ensure
that EM problems do not exist.

Another approach to minimizing IR drop, depicted in Figure 11.9, is to have a
grid of two metal lavers, In the figure, assuming a five-layer metal process, Metal 4
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Figure 11.8
Simpile techniques to reduce /A drop.

Figure 11.9
Vias in a mash array methodology,

and Metal 5 use a via array to connect the two layers, effectively tying the whole grid
to Vpp. However, part of the grid may have to be removed to route some signals. If
you arbitrarily remove a strap that is conducting a large amount of current, the
excess current must flow in adjacent straps that may push the current density in
them beyond acceptable levels for electromigration. These examples all illustrate
that design tradeoffs must be made with both EM and IR in mind,

11.2.4 Decoupling Capacitance Design

On-chip decoupling capacitances {decaps) are commonly used to keep the power
supply within the nojse budget, especially during peak demand periods in high-
frequency switching applications, The decoupling capacitors are large-valued capac-
itances that hold a reservoir of charge located near the power pins and any large driv-
ers, as shown in Figure 11.10. When large buffers switch from low to high, these
decaps are the first line of defense for IR drop and Ldi/dr effects. The needed current
for the switching process is obtained from the local decap. Later, current flows from
the V},, pad to refill the reservoir of charge for the next switching operation.
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