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Fig. 8.1 The test setup for characterizing a sample and hold using a beat test.

Qutput signal of sample and hold

Input signal

Sampling signal

Fig. 8.2 Example waveforms for the test setup of Fig. 8.1.

If a computer is used for analysis, the signal would normally be curve-fitted to a
sinusoidal wave at the beat (i.e., difference) frequency. This ideal closest-fit sinusoid
would then be subtracted from the measured signal, and the error signal would be ana-
lyzed for RMS content and spectral components using a fast-Fourier transform.

It might be mentioned that a very similar test setup can be used for analog-to-

digital converters, but now the output of the A/D converter would be loaded into the
computer at a sampling rate equal to the beat frequency.

8.2 MOS SAMPLE-AND-HOLD BASICS

Perhaps the simplest sample and hold that can be realized using a CMOS technology is
shown in Fig. 8.3. When 6 is high, V’ follows V;,. When &, goes low, V’ will
ideally stay constant from then on, having a value equal to Vj, at the instance ¢y
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Fig. 8.3 An open-loop track and hold real
ized using MOS technalogy.

went low. Unfortunately, V* will have a negative going hold step at this time caused
by the channel charge of Q,. When Q, tums off, its channel charge must flow out
from under its gate into its junctions. Since this charge is negative, it will cause the
Jjunction voltages to have negative glitches. If one assumes the source impedance at the
node V,, is very low, then the glitch at this node will be small and have a very short
duration. However, the negative charge that goes to the node with C,, 4 connected to it
(i.e., node V") will cause a negative voltage change that is long lasting (until the next
time Q, turns on again). If clock ¢, turns off fast, then the channel charge, Qgp, will
flow equally into both junctions [Shieh, 1987] since the channel becomes pinched off
at both ends (i.e., next to the junctions) while the charge is flowing out to the two junc-
tions. The charge flowing to the junction labelled V’ is therefore given by

QCH _ CoxWLVef!-l

AQq,, = : (@8.1)
where V4 , is given by -
Veir.t = Vas = Vin = Vpp— Vi — Vig (8.2)

Here, V;, is the input voltage at the instance Q, turns off. It should be noted here that
this result assumes that the clock signal, ¢, , goes between V5 and the most nega-
tive voltage in the circuit.
The change in the voltage V' is found by using the relationship Q = CV, result-
ing in
_AQchig | CoWLVer, _ CoWL(Vpp - Vin - Vin)

AV = = = (8.3)
Chig 2Chq 2Chg

Notice that AV’ is linearly related to V,,, which results in a gain error for the overall
sample-and-hold circuit. However, more importantly, AV’ is also linearly related to
Vi, which is nonlinearly related to the input signal, V,,, due to variations in the
source-substrate voltage (assuming the substrate is tied to one of the voltage rails).
This nonlinear relationship with V,, results in distortion for the overall sample-and-
hold circuit.

There is also an additional change in V' due to the gate overlap capacitance.
Using a derivation similar to that used to find (7.8), we have

B CoxWLov(VDD - VSS)
Chld

AV’ (8.4)

It
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where Vgg is the most negative voltage in the circuit. This component is usually
smaller than that due to the channel charge, and appears simply as an offset since it is
signal independent. Therefore, this error component is not typically important since
signal-independent offsets can often be removed in most systems. However, it may
cause noise problems if care is not taken to ensure that the clock signal, ¢, is rela-
tively noise free. For example, if the clock signal has power-supply noise on it due to
being realized with a simple inverter tied to digital power supplies, the power-supply
rejection ratio of this circuit might be poor.

EXAMPLE 8.1

Consider the sample and hold of Fig. 8.3 with C,4y = 1 pF, G, = 1.92
fR/(um)*, Vy, = 0.8 V, and (W/L), = (5 um/0.8 pm). Assume the power
supply voltages are +2.5 V and the input signal is 1 V peak to peak. Find the
hold step for V|, equal to 1 V, and then repeat for V,, equal to =1 V. Use the
estimates for errors at +1 V to estimate the dc offset.

Solution
At Vi, =1 V, using (8.3), we find AV'(1 V) = -269 mV. At V,, = -1V,
again using (8.3), we find AV'(-1 V) = -10.26 mV. The average offset is
given by
AV/(1 V)+ AV (-1 V) _

Vuffset-avg = > = = —648 mV (8.5)

which is a reasonable estimate of the amount of dc offset injected in this example.

There have been a number of changes proposed to minimize the signal-dependent
hold step. One approach is to replace the n-channel switch by a CMOS transmission
gate, as shown in Fig. 8.4. The idea behind this approach is that if the size of the
p-channel transistor is taken the same as the n-channel transistor, then the charge
injection due to each transistor will cancel when the transmission gate turns off. This
result is somewhat true when V,, is in the middle region between the power supplies,
assuming the clock waveforms are fast and exactly complementary. Unfortunately,
these conditions are seldom possible to achieve in practice. When the finite slopes of
the clock waveforms are taken into account, it is seen (as is explained shortly) that the

¢'c|k
Q L v
Vin Vout
S C
™ hid
ol I Fig. 8.4 An open-oop track and held real-

ized using a CMOS fransmission gate.
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D
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Fig. 8.5 An open-loop track and hold realized using an

n<hannel switch along with o dummy switch for ¢lock-
feedthrough cancellation.

turn-off times of the transistors are signal dependent and this signal dependence
causes the n-channel transistor to turn off at different times than the p-channel transis-
tor. Even if we ignore the errors caused by nonperfect clock waveforms, when V;, is
closer to Vpp, the charge from the p-channel transistor is greater than that from the n-
channel transistor because of its larger effective gate-source voltage resulting in a
positive hold step. The opposite happens when the input signal is closer to the nega-
tive power supply. Seldom will these two effects have the same magnitude in practice.

Another modification, often proposed to minimize clock-feedthrough errors, is to
add a dummy switch as shown in Fig. 8.5 [McCreary, 1975]. The theory behind this
technique is that if the width of Q, is taken exactly one-half that of Q,, and if the clock
waveforms are fast, then the charges will cancel. In practice, it is seldom possible to
have the clock waveforms change fast enough so that the ideal ratio of widths is exactly
one-half. When the ideal ratio is not one-half,, it is difficult to make the ratio equal to
the optimum required for perfect cancellation. However, when the clock waveforms
are fast, this technique usually can minimize the hold pedestal to less than about one-
fifth the value it would have without it. For this to be the case, however, it is necessary

t
s1-actual
Vin

¢clk

s1-ideal t

s2-ideal

tsz-actual

Sampling jitter

Fig. 8.6 The clock waveforms for V,, and ¢, used to illusirate how a finite slope for the sampling clock
introduces sampling-time jitter.
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EXAMPLE 8.2

Consider the S§/H circuit of Fig. 8.3, where V,, is a 20-MHz band-limited signal
with a 2-V,, amplitude. Assume that ¢ is a 100-MHz square wave having a
peak amplitude of £2.5 V with linear rise and fall times of 1.5 ns. What is the
maximum uncertainty of the sampling time? Assume V,,is 0.8 V.

Solution

First, we note that the slope of ¢, is (5 V)/(1.5 ns) = 333 V./ns, and the
true sampling time is when the clock waveform is 0.8 V greater than the input
signal.

For Vi, equal to 1 V, the sampling transistor will turn off when ¢, is
1.8 V, which is (0.7 V}/(3.33 V/ns) = (.21 ns after the clock first starts to
move down.

When V;, is -1 V, the sampling time occurs when ¢, is —0.2 V, which is
0.81 ns after the clock first starts to move upward.

Therefore, the sampling-time uncertainty is 0.81 —0.21 = 0.6 ns. Also,
assuming the ideal sampling time is 0.75 ns after the clock first starts to move,
the sampling jitter is from —0.54 ns to +0.06 ns from the ideal sampling time.

that the clock of Q, changes slightly after that of Q,. This clock arrangement guaran-
tees that the cancelling charge of Q, cannot escape through Q, while it is still on.

Another source of error for the simple sample and hold of Fig. 8.3 is caused by
clock waveforms having finite slopes. To understand this error source consider the
waveforms for V, and ¢, shown in Fig. 8.6. Assume the ideal sampling time is
defined 1o be the negative-going zero-crossing of @y. The true sampling time is that
when the sampling-clock voltage passes through the value when it is one transistor
threshold voltage drop above the input voltage. In other words, transistor Q, of
Fig. 8.3 turns off when 0., is Vy, above V|, as shown in Fig. 8.6. Thus, when V,, is
above ground, the true sampling time is earlier than the ideal sampling time, whereas
when V,, is Jess than 0 V, the true sampling time is late.

A more elaborate sample-and-hold circuit is to include an opamp in a feedback
loop, as shown in Fig. 8.7. When the clock, ¢, is high, the complete circuit responds
similarly to an opamp in a unity-gain feedback configuration. When ¢, goes low,
the input voltage at that time is stored on C,, 4, similarly to a simple sample and hold.
By including an opamp in the feedback loop, the input impedance of the sample and
hold is greatly increased. Another advantage of this configuration is that even if the
unity-gain buffer at the output has an offset voltage, the dc error due to this buffer will
be divided by the gain of the input opamp (although the input-offset of the input
opamp will remain). Thus, very simple source followers can be used for the output
buffer.

A disadvantage of the configuration shown is that the speed of operation can be
seriously degraded due to the necessity of guaranteeing that the loop is stable when it
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Fig. 8.7 Including an opomp in a feedback loop of a sample and
hold to increase the input impedance.

is closed. Another source of speed degradation is that when in hold mode, the opamp
is open loop, resulting in its output almost certainly saturating at one of the power-
supply voltages. When the sample and hold next goes back into track mode, it will
take some time for the opamp output voltage to slew back to its correct closed-loop
value. This slewing time can be greatly minimized by adding two additional transis-
tors as shown in Fig. 8.8. During hold mode, switch Q, keeps the output of the first
opamp close to the voltage it will need to be at when the T/H goes into track mode. It
should also be noted that this track-and-hold configuration still has errors due to
charge injection from the switch, Q,, similar to the simple S/H of Fig. 8.3. The errors
due to finite clock rise and fall times are also similar.

A similar, but improved, configuration is shown_in Fig. 8.9 [Stafford, 1974; Lim,
1991]. In this configuration, the holding capacitor is not going to ground, but rather is
placed in the feedback path of a second opamp. This configuration has a number of
desirable features. Perhaps the most important of these is due to the fact that, assum-
ing the second opamp has a large gain, the voltages on both sides of switch Q, are
very nearly signal independent. Thus. when Q, turns off, there will still be charge
injection to the left side of C,, 4 which will cause the output voltage of opamp 2 to

Doy
0
ek
Q, 2
) F1 ek
2 q,
Viﬂ VUU‘

Fig. 8.8 Adding an additional switch to the $/H of Fig. 8.7 to min-
imize slewing time.
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Chia
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Fig. 8.9 An improved configuration for an S/H as compared to that of Fig. 8.8.

have a positive hold step, but this hold step will be just a dc offset and will be signal
independent. In other words, the charge injection due to Q, will cause some dc offset
but no distortion. In addition, the sampling time will not change because of the finite
slopes of the sampling-clock waveform.

Another advantage is due to the inclusion of Q,. This switch grounds the output
of the first opamp during hold mode. This grounding keeps the output of the first
opamp close to the voltage it must change to when the $/H goes back into track mode.
This approach greatly speeds up the time it takes the S/H 1o return to track mode. The
switch also greatly minimizes signal feedthrough when the S/H is in hold mode by
grounding the signal path.

A major limitation of this configuration is that the speed will be degraded because
of the necessity to guarantee stability in the track mede. This limitation is worsened
since there are now two opamps in the loop along with the on resistance of the sam-
pling switch, Q,, during the closed-loop phase.

Figure 8.10 shows an interesting modification of Fig. 8.9 by including some ad-
ditional circuitry intended to minimize the hold pedestal and thereby minimize the
dc offset [Martin, 1987; Nayebi, 1989]. The basic idea is to match the charge injec-
tion into G,y with a similar charge injection into Cj,4 Since these capacitors are
chosen to have the same size, their voltage changes will match, and the common-

Chld

Opamp 1 q_:ilk ”

+ R o chet ~
Vin -— >—‘D—O Vout
+

o AT Q

Pei 0-| Opamp 2
= Q2 Ct'm}

Fig. 8.10 An §/H similar to that of Fig. 8.9, but with clockfeedthrough cancellation
circuitry added.
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mode rejection of the opamp will eliminate the effects of these voltage changes on
the output voltage of the S/H. The major limitation of this approach is a second-
order effect caused by a mismatch in impedance levels at the left of Q, and the
bottom of Q,. Errors due to this mismatch can be minimized by including small cap-
acitors (0.5 pf to 1 pf) between each node and ground. These extra capacitors help
keep these nodes at constant voltages while the clocks are turning off, assuming the
clock waveforms are fast. It should be mentioned that the configuration of [Nayebi,
1989] was a fully differential design and is a very reasonable choice for many S/H
applications.

8.3 EXAMPLES OF CMOS S/H CIRCUITS

In this section, a number of CMOS S/H circuits are described other than those already
mentioned. Unfortunately, the optimum choice for a sample-and-hold circuit is highly
dependent on the application’s requirements and the technology available. Therefore,
choosing the best circuit is nontrivial and a matter of ongoing research. For these rea-
sons, it is difficult to definitively state which configurations are superior or inferior.
Before proceeding, it should be noted that many of these circuits could also be
realized in a BICMOS technology, where a speed advantage would be obtained by
increasing the unity-gain frequency of any opamps used. For even higher speeds, a
BiCMOS circuit can make use of a bipolar diode bridge, as described in Section 8.4.
Another structure for an S$/H circuit is shown in Fig. 8.11 [Ishikawa, 1988]. This
configuration is intended to operate at higher speéts, assuming a high-speed opamp
capable of driving resistive loads is available. Unfortunately, in CMOS technologies,
such opamps are difficult to obtain, Furthermore, the required output buffer would not
only limit speed, but could also limit the signal swing. In bipolar and BiICMOS tech-
nologies, this configuration could be a very viable alternative. When in track mode,
Q, is on and Q; is off, resulting in the sample and hold acting as an inverting low-
pass circuit having a —3-dB frequency given by ®_ 5 ;5 = 1/(RC). When Q, turns
off, the output voltage will remain constant from then on. Since the junctions of Q,
are always at voltages very close to ground, the clock feedthrough of this sample and

S

Gk

R 2 “ ’

Yo OV o >~»—o Vou
Beik o'it Q, J__—+

Fig. 8.11 An inverting track and hold.
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hold is signal independent. Also, finite clock rise and fall times do not make the sam-
pling time a function of the signal, either. The function of Q, is to minimize signal
feedthrough when in hold mode and to keep the common node of the resistive net-
work close to the voltage required when the S/H goes back into track mode. In the
implementation described in [Ishikawa, 1988], an additional small bypass capacitor
was included in parallel to the input resistor. It was reported, and supported by analy-
sis, that this capacitor improved the speed of the S/H.

Another alternative is shown in Fig. 8.12 [Sone, 1993]. This track and hold places
the opamp into a unity-gain follower during track mode. Also, the positive input ter-
minal of the opamp is connected to V,, at this time. When the T/H goes into hold

| mode, the input signal is stored across G, since Q, is turned off. At the same time,
b transistor Q5 is also turned off. Ideally, the charge feedthrough from Q,, although sig-
‘ nal dependent, will be matched by the charge feedthrough from Q,, since both are at
the same voltage and have the same clock waveforms. For this to be true, the opamp
Il must have a low-impedance output.” Furthermore, the signal dependence of the clock
| signals can be minimized by having clock signals that change above and below the
input signal by fixed amounts. As will be seen in the next section, this is not too diffi-
cult to realize using diode clamps in a bipolar or BICMOS technology. In a CMOS
technology, it is more difficult. Regardless, the topology of Fig. 8.12 is attractive for
high-speed CMOS applications that are not too demanding.

Yet another S/H architecture is shown in Fig. 8.13 [Lim, 1991]. Shown in
s Fig. 8.14(a) is the circuit configuration when the 5/H is in sample mode. During this
ey mode, the opamp is being reset, and both capacitors are connected between the input
- voltage and the virtual input of the opamp. Thus the total capacitance that needs to be
charged or discharged during this mode is C; + C,. During hold mode, the configura-
tion is as shown in Fig. 8.14(b). During this mode, the effective hold capacitor is the

Do

2 q

VinC + v
__C1 p—— Yout
’_'rroz — ||C2
|

Fig. 8.12 A simple noninverting sample and hold with
clock-feedthrough cancellation.

v

2. This can be panially realized using a high-output impedance OTA by having a foad capacitor connected
to ground. but without having a resistor included in series with the load capacitor (as would be required if
lead compensation was desired).
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Fig. 8.13 An openloop architecture but with a
Miller holding capacitor.

Miller capacitor given by

C = (1 +A) C:C, (8.6)
hil d—eff C] + 02

which is typically much larger than the capacitance that needs to be charged during
the sampling mode. This allows smaller capacitances and therefore smaller switches
to be used than would otherwise be the case. Since the voltage changes at the output

O Vou
c, =, =
o, |
+
(a)
j_ 0 Vou
c, C

Vpo— L

(b}

Fig. 8.14 The circuit configurations of the S/H of
Fig. 8.13 during {a] sample mode and {b} hold

mode.
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of the amplifier are very small, it is easy to design the amplifier for very high speed.
The sampling switch, Q,, does inject signal-dependent charge as in other open-loop
architectures, but again this is minimized by the large size of the Miller hold capaci-
tance, especially if Q, is turned off slightly before Q.

At lower frequencies, there are a number of sample-and-hold architectures based
on switched-capacitor technology that are often used. These S/Hs tend to be quite
accurate but not necessarily fast. A simple example is shown in Fig. 8.15. Note how
similar this S/H is to the S/H of Fig. 8.13. During ¢,. capacitor Cy is connected
between the input signal source and the inverting input of the opamp. At the same
time, the inverting input and the output of the opamp are connected together. This
causes the voltages at both of these nodes to be equal to the input-offset voltage of the
opamp, V¢ . Thus, Cy is charged up to V;, — V. Next, during 0,, the opamp is
taken out of reset mode, and the capacitor C, is connected between the opamp output
and its inverting input. This will cause the output voltage to be equal to V,, irrespec-
tive of the input-offset voltage of the opamp. Note that this circuit is an example of a
sample and hold that is not thought of as a track-and-hold circuit. Specifically, during
the sample phase, the opamp output voltage will be very close to 0 V rather than
tracking the input voltage. This places a requirement on the opamp to have a very
large slew rate, or the speed is seriously degraded. Also, obviousiy, the opamp output
is invalid during ¢, the sample phase.

An interesting vartation somewhat similar to the S/Hs of Figs. 8.13 and 8.15 adds
two unity-gain buffers and two more switches to help improve accuracy. The S/H is
shown in Fig. 8.16 [Real, 1991]. During sampling, all switches are on except Q,. This
connects C, and C, together and charges them to the input voltage. During this time, the
mput impedance is quite large due to the inclusion of buffer B,. At the same time, the
opamp is being reset and the positive terminal of the opamp is charged to 0 V. Next, Q,
and Qg are turned off, and shortly thereafter Q, and Q, are turned off. Finally, Q, is
turned on. This configures the circuit as shown in Fig. 8.17. Note the similarity between
this configuration and that of Fig. 8.14(b). The unity-gain feedback holds the output
during this phase, and also the output impedance of the S/H is very low. Because Q,
and Q; turn off slightly before Q, and Q,, their clock feedthrough is nat only signal

4 b
'd 2
V. 0 FC A FT

l 94

-7 2

>_0_° Vou
N

Fig. 8.15 A simple switched<opacitor $/H.
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O Vom

Fig. 8.16 A recycling S/H.

Vin 0— * 0 Vou

"
Fig. 8.17 The S/H of Fig. 8.16 when in hold mode.

independent but largely cancels due to the common-mode rejection of the input stage
of the amplifier [Martin, 1987}. The charge injection of Q, and Q, does not affect the
output voltage. The charge injection of Q, is signal dependent and does affect the out-
put voltage, but its effect is minimized by the loop gain similar to the S/H of Fig. 8.13.

An interesting variation on the S/Hs of Figs. 8.10 and 8.15 is the S/H shown in
Fig. 8.18 from [Gatti, 1992]. This T/H has an output that is always valid and incorpo-
rates a number of features. During sample mode, the input-offset voltage of the first
opamp is stored across Cyp. At the same time, Cg is sampling the input voltage, and
the second opamp is holding the previously-sampled input voltage. During the next
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5 Sg + —0 Vout
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fig. 8.18 A switched<apacitor S/H.

phase, the input-offset voltage of the first opamp is eliminated, and Cgis connected to
the output while the feedback loop is enabled. This arrangement causes the output
voltage to be equal to the just-sampled input voltage. The clock feedthrough of switch
S, is cancelled by the clock feedthrough of switch ;. The clock feedthrough of
switch S is cancelled by the clock feedthrough of switch Sq and the added buffer net-
work. The other switches ideally do not cause appreciable errors due to clock
feedthrough. The details concerning the operation of this T/H and the required clock-
ing waveforms are left for the interested reader to consult [Gatti, 1992].

Yet another example of a switched-capacitor S/H is shown in Fig. 8.19 [Sooch,
1991). This circuit combines a sample and hold with a low-pass filter and was used
to convert a signal from the sampled-data domain to the continuous-time domain at

4 Oz
d hd
V,, o FC l JL
c, Ca
T 02 H
2
it
L__O Vout
L2 o{é +

Fig. 8.19 A switchedcapacitor somple and hold and low-
pass filter.
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the output of a high-quality audio digital-to-analog converter based on oversam-
pling techniques. The low-pass filtering was used to help convert from a single-bit
high-frequency signal to a decimated lower-frequency multi-bit signal. During o,
C, is connected between the input voltage and ground. Next, during G, it 15 con-
nected between the output and the inverting input of the opamp. At this time, its
charge is shared with the charge being stored across C,,-which came from previous
samples. For low-frequency signals, the output voltage will equal the input voltage
in the steady state. Higher frequency changes in the input signal will be low-pass fil-
tered. For G, greater than C, by at least a few times, it can be shown using
switched-capacitor analysis techniques [Martin, 1980] that the —3-dB frequency of
the low-pass filter is approximately given by
1 C, ¥

S = 5 (8.7)
where ;. is the clock frequency. While this example does not eliminate the effects of
opamp finite-input voltage offsets, unlike the previous two examples, it does have the
advantage that its output is always valid,

The switched-capacitor sample-hold circuits just shown (except for that of
Fig. 8.18) do have dc oftsets due to clock feedthrough from the switches connected to
the inverting inputs of the opamps. However, these offsets are largely signal indepen-
dent assuming the opamp has a reasonable gain. Also, it is possible to minimize these
offsets by including a clock-feedthrough cancellation network connected to the posi-
tive input of the opamp, similar to what is described in [Martin, 1987]. Alternatively,
fully differential sample and holds can be used, which also helps minimize the effects
of clock feedthrough.

8.4 BIPOLAR AND BICMOS SAMPLE AND HOLDS

In this section, bipolar and BiCMOS sample-and-hold circuits are described. It should
be noted that BICMOS sample-and-hold circuits are often realized using the CMOS
techniques described above. Here, we look at BICMOS circuits more closely related
to their bipolar counterparts.

Most of the early integrated bipolar sample and holds were based on using a
diode-bridge switch, as shown in Fig. 8.20 [Erdi, 1978]. In track mode the bias cur-
rent, Ig . is turned on and evenly divides between D, and D,, as well as between D,
and Dy. This current division results in a low-impedance path between the input and
the output with a small-signal impedance of ry, where

rg = & = &— (8.8)
Iy Ig/2
In hold mode, both current sources labelled Ig are turned off, leaving the hold capaci-
tor, Gy, 4. Open circuited.

A more practical realization of a diode-bridge track and hold is shown in

Fig. 8.21 [Matsuzawa, 1990]. During track mode, V, is at a higher voltage than V,,,,
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Fig. 8.20 A bipolar track and hold based on using a
diode bridge.

and Q, will be on and conducting 2I. Half of this current comes from the current
source connected to the node V,. The other half comes from the current source con-
nected to node V, after going through the diode bridge. Thus, during track mode, the
diode bridge is low impedance, and the node V, will track the input signal. The output
voltage will also track this node through the unity-gain output buffer. Also, during
this phase, the diodes D; and D are reverse biased.

When the track and hold is placed in hold mode, Q, is turned off and Q, is turned
on. Since Q, is turned off, the current from the source connected to the node V, now

V1
Vv - é +D2 Vs I\
in + 1 O Vo
o,y | W %04 1l
Chig
v 1
Dg - -
—t
Vhig Virk
Q Q,
21,

Fig. 8.21 An improved example of a diode-bridge rack and held.
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flows through the diode Dy, turning it on. This causes V, to be one diode drop above
V,ut» which causes diodes D; and D, to become reverse biased. At the same time,
Q, will be conducting current 21g. Half of this will come from the current source
connected to node V. The other half comes from V,, through diode Dj, causing it
to become forward biased. Therefore, V| will be one diode drop below V., and
diodes D; and D, will be reverse biased. Thus, all the dicdes in the diode bridge are
reverse biased, and the node V; is disconnected from the input signal.

The circuit of Fig. 8.21 has a number of advantages compared to the simple circuit
of Fig. 8.20. Perhaps the most important of these is that the clock feedthrough is signal
independent. This independence occurs because when the diode bridge turns off, the
voltage changes of nodes V, and V, are from a voltage closely equal to V;,, to a volt-
age one diode drop below V,,,, and a voltage one diode drop above V|, respectively, re-
gardless of the value of V,,. Thus, the charge from turning the diode bridge off, and
changing the reverse-bias voltage of the diodes in the bridge, is signal independent.
Furthermore, the charge from D, and D, will (to a first-order degree) cancel the
charge from D; and D,, assuming fast clock waveforms, which also minimizes the ef-
fects of charge injection. It should be mentioned that in many implementations, the di-
odes would all be Schottky diodes, which don’t have minority carrier charge storage
when they are on, and, thus, turn off faster than regular diodes and have smaller hold
steps. A second advantage of Fig. 8.21 is that the sample-time uncertainty caused by the
finite slope of the clock waveforms is greatly minimized. Finally, a third advantage of
Fig. 8.21 is that when in hold mode, the signal feedthrough is substantially smaller.
When the simple circuit of Fig. 8.20 is in hold mode, the diodes are turned off but are
floating. The input signal is then capacitively coupféd through the junction capacitance
of these reverse-biased diodes to the hold capacitor. The magnitude of this signal
feedthrough is easily calculated using the capacitor-divider formula., This signal
feedthrough is minimized in the improved circuit of Fig. 8.21, because during hold
mode, nodes V| and V, are connected to V,,; through low-impedance paths consisting
of conducting diodes Ds and Dy, respectively. This effectively shields the node V,
from the input signal during hold mode.

In the BiCMOS realization presented in [Matsuzawa, 1990], the input transistors
to the unity-gain buffer were p-channel MOS transistors that minimized the droop on
the hold capacitor during hoid-mode, which would normally be caused by finite-based
currents of bipolar input transistors.

It should be noted in Fig. 8.21 that the maximum input-signal excursions during
hold mode are limited to less than two diode drops above or below the input signal
voltage at the time the track and hold went into hold mode. Otherwise, one of the
diodes D, or D, will become forward biased, which will tend to clamp the input sig-
nal. For high-speed track and holds, this input amplitude restriction is not usually a
serious limitation as peak signals are usually limited to be less than one volt. Further-
more, the input signal range can be increased by replacing each of Dy and Dy with
two series diodes. This would increase the maximum allowable signal-swing excur-
sion to three diode drops.

One of the major limitations of bipolar S/Hs is a droop in the voltage being stored
across a capacitor during hold mode, caused by the finite base currents of bipolar tran-
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sistors. One of the major ways of minimizing this droop is to use fully differential
approaches where the droop is the same in both paths, and the differential signal is, to
a first-order approximation, unaffected. An example of a fully differential diode-
bridge-based T/H is given in [Colleran, 1993]. In this example, the current sources
were realized using resistors, and additional circuitry was also included to minimize
errors introduced by these resistors.

An interesting BICMOS S/H is shown in Fig. 8.22 [Wakayama, 1992]. This S/H
uses bipolar switches that appear similar to the diode bridge switches, but operate dif-
ferently. Note that the direction of diodes D, and D, have been reversed compared to
the circuit of Fig. 8.20. When V,,, is greater than Vy,4,, then Q; will be conducting
31g. I of this will come from M, through Q,, I of this will come from Mg, and Ig
of this will come from M; through D, and D,. Since both Q, and D, are conducting,
Vouu will equal V. Diodes D, and D, are reverse biased and V,, is isolated from
V.. The ratios of the currents in M,, M;, and M, are accurately determined by the
feedback loop including M|, M,. M, and the unity-gain buffer. When V,,,, is less
than V4, then Q, will be conducting 3Ig. This will cause Q,, D, and D, to turn off
and Q,, D;, and D, to turn on. In this phase, V,, will be isolated from V,,, and
Voo will track Vi, . Notice that the input is buffered from the holding capacitors by
emitter followers (either @, or Q,) and that the load current on the input source is
constant (and equal to the base current of the emitter followers). Also, when one out-
put is in track mode, the other is in hold mode. This arrangement can possibly be used
to effectively double a data rate. Finally, as is explained in [Wakayama, 1992], during
slewing the current available to charge or discharge the holding capacitors is dynami-
cally increased to 31 rather than the quiescent Ig=

M M M
l1 2 I-*f 4

M,
I i M M
M }A ° }--?-0 Viias

la| {le I
1 sl h
J_ © Vouts
Vin o— @ :|: Chiat
j_ O Vo
C
Virk Q, Q, Vit I nide

3lg
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An alternate BICMOS S/H is described in [Sone, 1993], which makes use of the
basic architecture shown in Fig. 8.12, except the switches are realized using bipolar
swilches. There have been a number of other alternative bipolar and BiCMOS track
and holds that have been reported in the literature. Some alternative and interesting
BiCMOS examples include [Fernandes, 1989; Robertson, 1990; and Real, 1991].
Some alternative and interesting bipolar examples include [Moraveji, 1991;
Petschacher, 1990; and Vorenkamp, 1992]. The interested reader is referred to the
applicable references.

8.5 BANDGAP VOLTAGE REFERENCE BASICS

Another important analog building block, especially in data acquisition systems, is a
voltage reference. Ideally, this block will supply a fixed d¢ voltage of known ampli-
tude that does not change with temperature. There have been a number of approaches
that have been taken to realize voltage references in integrated circuits. These include

1. Making use of a zener diode that breaks down at a known voltage when
reverse biased.

2. Making use of the difference in the threshold voltage between an enhance-
ment transistor and a depletion transistor.

3. Cancelling the negative temperature dependence of a pn junction with a
positive temperature dependence from a PTAT (proportional-to-absolute-
temperature) circuit. -

The first approach is not popular nowadays because the breakdown voltage of a
zener diode is typically larger than the power supplies used in modern circuits. The
second approach cannot be used in most CMOS circuits because depletion transistors
are not typically available. In addition, although it can be used to make quite stable
references, the actual value of the reference is difficult to determine accurately
because of the process sensitivity of the difference between the threshold voltage of
an enhancement device and a depletion device. For these reasons, the first two ap-
proaches are not covered here. Rather, the last approach, which is currently the most
popular for both bipolar and CMOS technologies, will be discussed. Voltage refer-
ences based on the last approach are commonly called “bandgap” voltage references
for reasons that will become apparent shortly.

Bandgap Voltage Reference

As just mentioned, a bandgap voltage reference is based on subtracting the voltage of
a forward-biased diode {or base-emitter junction) having a negative temperature coef-
ficient from a voltage proportional to absolute temperature (PTAT). As we shall see,
this PTAT voltage is realized by amplifying the voltage difference of two forward-
biased base-emiiter (or diode) junctions. A bandgap voltage reference system is
shown symbolically in Fig. 8.23.
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A forward-biased base-emitter junction of a bipolar transistor has an I-V relation-
ship given by
qVy,. kT
IC = Ise e (8.9)
where I is the transistor scale current and, although not shown, has a strong depen-
dence on temperature.
Writing the base-emitter voltage as a function of collector current and tempera-

ture, it can be shown that [Brugler, 1967; Tsividis, 1980]

T J
Vge = Vg l—1 +VBEUI+m In| = +Eln =< (8.10)
Ty q T q Jeo

Here, Vg, is the bandgap voltage of silicon extrapolated to 0 °K (approximately
1.206 V), k is Boltzmann’s constant, and m is a temperature constant approximately
equal to 2.3. Also, Jg and T are the collector current density and temperature, respec-
tively, while the subscript O designates an appropriate quantity at a reference tempera-
ture, T, Specifically, Jg, is the collector current density at the reference temperature,
Tq. whereas J, is the collector current density at the true temperature, T. Also, Vgg,
is the junction voltage at the reference temperature, T,, whereas Vgg is the base-
emitter junction voltage at the true temperature, T. Note that the junction current is
related to the junction current density according to the relationship

Ic = Agde (8.11)

where Ag is the effective area of the base-emitter junction.

For I constant, Vgg will have approximately a -2 mV/°K temperature depen-
dence around room temperature. This negative temperature dependence is cancelled
by a PTAT temperature dependence of the amplified difference of two base-emitter
Junctions biased at fixed but different current densities. Using (8.10), it is seen that if
there are two base-emitter junctions biased at currents J, and J,, then the difference
in their junction voltages is given by

kT, {J2

AVge = V,-V, = Y 1n[—°J (8.12)
1

Thus, the difference in the junction voltages is proportional to absolute temperature.

This proportionality is quite accurate and holds even when the collector currents are

temperature dependent, as long as their ratio remains fixed.

o
L

PTAT Generator

Viegg = 126V

Fig. 8.23 A simplified circuit of o bandgap voltage refer-
ence.
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EXAMPLE 8.3

Assume two transistors are biased at a current-density ratio of 10:1 at T =
300 °K . What is the difference in their base-emitter voltages and what is its
temperature dependence?

Solution
Using (8.12), we have

In(10} =59.5 mV (8.13)

Ji

Jj =23
AV = kT m[ J: 1.38 x 107 (300)
-19
q 1.602 x 10

Since this voltage is proportional to absolute temperature, after a 1 °K tempera-
ture increase, the voltage difference will be

AVge = 595 mV% = 59.7 mV (8.14)

Thus, the voltage dependence is 59.5 mV /300 °K or 0.198 mV/°K. Since
the temperature dependence of a single Vgg is -2 mV /°K | if it is desired to
cancel the temperature dependence of a single Vge, then AV should be
amplified by about a factor of 10, as explained next.

It will be seen shortly that when realizing a bandgap voltage reference, although
the output voltage is temperature independent, the junction currents turn out to be
proportional to absolute temperature (assuming the resistors used are temperature
independent). Thus, to simplify derivations, we will first assume the junction currents
are proportional to absolute temperature. Later, it will be verified that this propor-
tionality relationship is true when circuit realizations are described. We therefore first
assume

i = X (8.15)
Jo  To
where J; is the current density of the collector current of the ith transistor, whereas
Jip is the same current density at the reference temperature.

Now, assume that the difference between two base-emitter voltages is multipiied
by a factor of K and added to the base-emitter voltage of the junction with the larger
current density. Using (8.12) and (8.15) along with (8.10), we have

Vit = Vgeo + KAV

T kT (To) kT (Js (8.16)
\' —(Vaga. -V m-1)—Inl= {+ K— In| =
G0+T0( BEc2 — Yao) T ( ) p I{TJ"’ 3 H(J]

I

Equation (8.16) is the fundamental equation giving the relationship between the out-
put voltage of a bandgap voltage reference and temperature. If we want this relation-
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ship to be zero at a particular temperature, we can differentiate (8.16) with respect to
temperature and set the derivative to zero at the desired reference temperature. From
(8.16), we have

aVrei
aT

1 k, [J k, (T
= -?O(VBEU—E-VGO) + Ka IH{J—zJ'f (m - l)aln(_—r?— 1] (8.17)

1

Setting (8.17) equal to zero at T = T, we see that for zero temperature dependence
at the reference temperature, we need

v K—kT0 1 J—2 \ (m 1)—kT0 (8.18)
S+ n = +(m-— -
BEO-2 q J GO q

1

The left side of (8.18) is the output voltage V o at T = T, from (8.16). Thus for zero
temperature dependence at T = T, we need

kT,
Viery = Vgo+ (M- l)? (8.19)

For the special case of T, = 300 “K and m = 2.3, (8.19) implies that
Vieto = 1.24V (8.20)

for zero temperamure dependence. Notice that this value is independent of the current
densities chosen. Thus, if a larger current density is chosen, then K must be taken
appropriately smaller to achieve the correct refefence output voltage. In many inte-
grated voltage references, this correct output voltage will be achieved by trimming at
the time the wafer is being tested. From (8.18), the required value for Kis

Vg + (M- 1)_0 ~ VgEo2
1.24 -V
K = 9 = BEOZ (8.21)

kT, (J J;

— In| — 0.0258 In| —

q Jy Js
at 300 °K.

The reason for the name of the bandgap voltage should now be apparent. Specifi-
cally, for zero temperature dependence, the output of a bandgap voltage reference is
given by the bandgap voltage plus a small correction term to account for second-order
effects.

The output voltage of the reference for temperatures different from the reference
is found after back-substituting (8.18) and (8.19) into (8.16). After some manipula-
tions, the result is

To

kT
Viet = VGO +(m- 1)_q"'|:1 + ]I{T] (8.22)

and
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oV T
et = (mAl)F—(ln 0 (8.23)
dT g |\T

These equations can be used to estimate the temperature dependence at temperatures
different from the reference temperature. In the next section, a practical bipolar real-
ization of a bandgap reference will be described.

EXAMPLE 8.4

Estimate the temperature dependence at 0 °C for a bandgap voltage reference
that was designed to have zero temperature dependence at 20 °C. Present the
result as ppm/°K.

Solution

Recalling that O °K corresponds to -273 °C, we can write T, = 293 °K and
T = 273 °K. Substituting these values into (8.23), we have

oV 38x 1077 1293
o = (23— 1)&11{—2—] = 8 UV/°K (8.24)
T 16x 1077 \273
For a reference voltage of 1.24 V , a dependency of 8 pV./°K results in
% = 6.5x 107 parts/°K = 6.5 ppm/°K (8.25)

where ppm represents parts per million. It should be mentioned here that practi-
cal effects result in voltage references with typically 4 to 10 times larger values
than this small amount of temperature dependency. It should also be noted that
the ideal first-order temperature of this bandgap voltage circuit is 0 ppm/°K at
the reference temperature of 20 °C.

8.6 CIRCUITS FOR BANDGAP REFERENCES

Bipolar Bandgap References

A voltage reference originally proposed in [Brokaw,1974) has been the basis for
many bipolar bandgap references. A simplified schematic of the circuit is shown in
Fig. 8.24. The amplifier in the feedback loop keeps the collector voltages of Q, and
Q, equal. Since R, = R,, this guarantees that both transistors have the same collec-
tor currents and collector-emitter voltages. Also, notice that the emitter area of Q| has
been taken eight times larger than the emitter area of Q,. Therefore, Q, has eight
times the current density of Q, resulting in

J

=8 8.26
3, (8.26)
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7\1 . Ovref

Fig. 8.24 A simplified schematic of a bipolor band-
gap voltage reference.

We have for the circuit

Vref = VBE2+VR] (8.27)
Also
Vg = IRIRI (8.28)
= 2Iq. R ~
But
Vv Vges =V AV
In, = YRz _ VeE2 BEI _ BE (8.29)
R, R, R,
Substituting (8.28) and (8.29) into (8.27) gives
2R,
Vre' = VBEZ+R— AVBE (830)

2

which is of the form desired to realize a bandgap reference. It is immediately recog-
nizable that
2R,

K=— 8.31
R, (8.31)

Assuming Vggo o = 0.65 V, from (8.21)
Ry 1 1.24-065
X

R, 2 00258xin(8)

In an integrated implementation, R, or R, would be trimmed while monitoring V
to force it equal to the desired reference voltage. Furthermore, the optimum value for

(8.32)

372 of 720




8.6 Circuits for Bandgap References 359

R, =
"R

Fig- 8.25 A bipolar bandgap with output voltages greater than
1.24V.

this voltage might be determined empirically during the prototype phase of the design
cycle.
Notice also, from (8.12) and (8.29), we have

kT (Jz]
2 nl =
AVge 9.

1=, = I = Io, = = 8.33
E1 E2 R2 R, R, (8.33)

implying that all currents are proportional to absolute temperature (assuming that
resistor R, is temperature independent). Thus, as assumed earlier, all currents are
indeed PTAT. It is worth mentioning here that PTAT currents are often used to bias
many bipelar circuits, as they result in transistor transconductances being independent
of temperature. This transconductance independence has the desirable feature that cir-
cuit speed is relatively independent of temperature, but, unfortunately, has the unde-
sirable feature that the circuit power dissipation goes up considerably at high
temperatures, which makes it more difficult to dissipate the heat.

In applications where it is desirable to have reference voltages larger than 1.24 V,
a modified bandgap reference as shown in Fig. 8.25 can be used. It is not difficult to
show that the output voltage is now given by

\' 1 Rd'] A (m I)kTD (1 R4)1 24V (8.34)
o =|1+= +(m-1)— | = [1+=—]L .
ref-0 ( R [ Go q ] R,

Resistor R; has been added to cancel the effects of the finite base currents going
through R, and should be chosen according to the formula in the figure. The inter-
ested reader is referred to [Brokaw, 1974] for additional details concerning this real-
ization.
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CMOS Bandgap References

The most popular method for realizing CMOS voitage references also makes use of a
bandgap voltage reference despite the fact that independent bipolar transistors are not
available. These CMOS circuits rely on using what are commonly called well transis-
tors. These devices are vertical bipolar transistors that use wells as their bases and the
substrate as their collectors. In an n-well process (the most common modern process),
these vertical bipolar transistors are pnp types with their collectors connected to
ground, as shown in Fig. 8.26(a). In a p-well process, they would be npn transistors
with their collectors connected to the positive power supply, as shown in Fig. 8.26(b).
These transistors have reasonable current gains, but their main limitation is the series
base resistance, which can be high due to the large lateral dimensions between the
base contact and the effective emitter region. To minimize errors due to this base
resistance, the maximum collector currents through the transistors are usually con-
strained to be less than 0.1 mA. It is possible to use these transistors to implement
bandgap voltage references using configurations similar to those shown in
Fig. 8.27(a) for n-well processes [Kujik, 1973] or Fig. 8.27(b) for p-well processes

[Ye, 1982].
O 4 -
A n-welli| } ,v\(p-weli
p~ substrate n substrate| Voo

(a) (b)

Fig. 8.26 Vertical CMOS well fransistors realized in (o) an n-well pro-
cess and (b) a p-well process.

of, «o

>—“—-—O Vref RZ
+
I—OV
I1 ¢ 12 ¢ >—‘ ref
H‘i

M/

R4

(b}

Fig. 8.27 Bandgap voltage references implemented with well transistors in [a} an
n-well CMOS process, and (b) a pwell CMOS process.
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With respect to the n-well implementation of Fig. 8.27(a), we have
Viet = Viegy + Vi, (8.35)

Also, assuming the opamp has large gain and that its input terminals are at the same
voltage, then

Vr: = Veg — Ve, = AVes (8.36)
Now, since the current through R; is the same as the current through R,, we have
Vgs = EVR.2 = & AV g (8.37)
R, R,

using (8.36). The opamp feedback also makes the voltage across R, equal to the volt-
age across R;. Using this fact and substituting (8.37) into (8.35) results in

Vet = Veg, + E AVigg (8.38)
R,
which is in the required form to realize a bandgap reference. In integrated realizations
of this reference, the bipolar transistors are often taken the same size, and the different
current-densities are realized by taking R, greater than R, which causes I, to be
larger than I,. In this case, we would have

SR (8.39)
h R '
since R, and R; have the same voltage across them. Also, recalling from (8.12)
that
J
AVegg = Vig, - Veg, = Hlﬂ — (8.40)
qa iJ;
and using (8.39) in (8.38) gives
R:kT . (R;
Vit = Ve, +R_2F]'{R_1 (8.41)
It is immediately recognizable that
K= (8.42)
== .

(%]

EXAMPLE 8.5

Find the resistances of a bandgap voltage reference based on Fig. 8.27(a), where
I, = 80 A, I, = 8 pA,and Vggyp = 0.65 V at T = 300 °K.
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Solution
Recalling from (8.20) that
Vieio = 124V (8.43)
therefore, from (8.35), we require
Vai = Vieto—Vesig = 059V (8.44)
Also, since Vg, = Vg, we have
\'
R, =2 -20V 5550 (8.45)
L, 8 LA
and
I,
R, = H3I-— = 7.38 kQ (8.46)

t

Now, recaliing from (8.22) that

K = i.24-065V - 9.03 (8.47)
0.0258 x In(10)

therefore
R,
R, = ? =743 kQ (8.48)

It is of interest to note here that using (8.40) and noting that J,/J, = I,/1,
(since the sizes of Q, and Q, are assumed to be the same), we find that
kTy. (I,
AVgg = ? In I = 59 mV (8.49)

2

gives the temperature dependence value of 198 mV/°K, as found in Example
8.3, which requires approximately a gain of 10 to cancel temperature depen-
dency (actually 9.93 in this case).

The design equations for a voltage reference that is suitable for p-well processes
and shown in Fig. 8.27(b) are essentially identical to those just given for the n-well
reference.

In CMOS realizations of the references just described, the large value resistors
are often realized by well resistors. Unfortunately, these resistors have a temperature
dependence approximately given by [Michejda, 1984]

TT\
R(T) = Ry— (8.50)
To

where 1 = 2.2. The errors caused by this temperature dependence can be eliminated
by offsetting V.., slightly positive from the value given by (8.19) to
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kT,
Vrei—o = VGO"'(m"'T]_l)T (8.51)

Assuming the effects of the temperature coefficient of the resistors have been
minimized, the next major source of error is often due to the input-offset voltage of
the opamp {Michejda, 1984]. This results in an error term in the equation for AVge
that is roughly equal to K times the input-offset voltage of the opamp. For example, a
ImV offset error that is temperature independent causes a temperature coefficient
(I'C), error approximately given by [Song, 1983]

TCopor = 26 ppm/°C (8.52)

One means of eliminating this source of error is to use switched-capacitor (SC) ampli-
fiers that have input-offset compensation circuits [Song, 1983]. One possible SC-
based voltage reference is shown in Fig. 8.28, where it makes use of an amplifier
described in [Martin, 1987]. The amplifier shown results in a circuit having its output
valid at all times and is less sensitive to finite opamp gain. A detailed explanation of
how the amplifier shown in Fig. 8.28 operates is deferred until Chapter 10, where
switched-capacitor circuits are discussed.

Assuming errors due to the input-offset voltage of the opamp have been mini-
mized, there is still an inherent temperature dependence of the bandgap voltage refer-
ence, as we saw in (8.23). In addition, a further temperature dependence occurs
because Vg, varies slightly with temperature (which has been ignored in the above
analysis). Together, these two error sources limit the best achievable temperature
coefficient to about 25 ppm./°K. Minimizing these“second-order effects is beyond
the scope of this book, but the interested reader is referred to [Palmer, 1981; Meijer,
1982; Song, 1983] to see examples of how errors due to second-order effects have
been minimized.

o [ %2 C, I
| — %
1 L )
¢21}

I -
|1
1 =

LL
S =
0y 1 $1\
T —
N 0 E Cs
L

Fig. 8.28 An SCbased voltage reference that is insensitive to
opamp input-offset vollages.
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An alternative realization of a CMOS bandgap reference was reported in
[Degrauwe, 1985], where lateral npn well transistors were used. Also, in [Tzanateas,
1979] a voltage reference was reported that was based on a realized PTAT voltage
from the difference of the source-gate voltages of two MOS transistors biased in weak
inversion. The interested reader can consult the references for details on these circuits.

8.7 TRANSLINEAR GAIN CELL

An important analog building block for bipolar circuits is the translinear gain cell’
[Gilbert, 1968a; Gilbert, 1990]. These gain cells are useful when building circuits
requiring varying gain, such as in adjustable continuous-time filters and voltage-
controlled amplifiers. They are also useful in realizing four-quadrant analog multi-
pliers, as will be seen in the next section.

A translinear gain ceil is shown in Fig. 8.29. It has differential inputs and outputs
that are current signals. The first stage simply consists of pn junction loads, which in
this case are realized by the base-emitter junctions of Q, and Q,. The second stage is
a differential pair. To analyze this cell, we recall the relationship between the base-
emitter voltage and collector current,

I
OF  Vpe = VTln(I—C] (8.53)

S

(Vpe/ V1)
IC — ISe be’ YT

Thus, ignoring the base currents of Q; and Q, we see that the voltage at the emitter
of Q| is given by

Veo
4

Q Q, I GD I GD i,

*A\?/ + —_'o . I2.
lg = =gy

o I

| o +

v v vics lcad fo

Iy +igy I, —igy _@‘&;—

Fig. 8.29 A fourtransistor gain cell. The output current, iy, is a
scaled version of 1.

3. These four transistor gain cells are also commonly called two-quadrant multipliers or Gilbert gain cells.
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(=V)l L +ig, (8.54)
Ve, = (=V1)In .
: T ISl/a
where oo = B/(B + 1). For Q,, we have
Ves = (-Vo)In L~ lox (8.55)
. I,/

Now, assuming Q, and Q, are matched such that Ig, = Ig;, and defining AV to be
the difference between v, and v,,, we have

1~ oy

I, +i,,
AV = Vez—vel = VT ln (856)

Note that this voltage difference, AV, does not depend on the scale current, I 5
To analyze the current output from the differential pair of Q, and Q,, we recall
from Section 3.10 that the large-signal emitter currents through a differential pair are
given by
N 212 . 212
gy = ————— and gy = ——r— (8.57)

(CAV)IV (AV)/V
I+e T l+e T

Therefore, the collector current, ig;, is equal to

-

. . o2l I,
gy = Oy = -——2—— = oc]2+ocI—21DI (8.58)
I -, !
1+ -
I+ig,
and for o = 1, we have
: I,
icy = L+ iy (8.59)
I
In a similar manner, ic, is equal to
: L.
ica = L=+l (8.60)
[
Finally, the output current, ig, is given by
. : I,
lO = |03‘-Iz = IZ_|C4 = I—lo] (8.61)
1

In other words, the output current is equal to a scaled version of the input current
where the scaling factor is determined by the ratio of two dc bias currents, I, and I,.
An important point to note here is that not only is the difference between iz; and
ics linearly related to the input current, but also each of iq; and ic, is also linearly
related (except for the dc bias current). This result is important since it implies that
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even if the difference between these two currents is not taken precisely, it does not
affect the linearity of the overall circuit. Furthermore, note that the gain and linearity
are not dependent on any transistor parameters such as B or Ig. However, one should
be aware that there are mechanisms that will create distortion in a gain cell, such as
mismatches between transistors and the occurrence of linear resistances in the pairs

Q,.Q, and Q,, Q,.

EXAMPLE 8.6

Consider the gain cell shown in Fig. 8.29 where 1, is fixed to a bias current of
200 pA, while I, varies such that the gain changes from 0.5 to 4. What are the
extreme values of I, needed? Also, what is the maximum peak current that
should be used for i,,, assuming all transistors should remain in the active
region with at least 20 A of emitter current?

Solution

Making use of (8.61), when a gain of 0.5 is needed, I, should be one-half of I,
which is 100 L A. When a gain of 4 is needed, I, should be four times that of
[}, which is 800 pA. Therefore, the extreme values of I, are 100 pA and
800 pA.

The maximum peak current of i, is found by noting that the emitter cur-
rents of either transistors Q, or Q, should not go below 20 LLA. Since they are
biased with 200 pA each, the peak current ef i, should be less than 180 pA.
Note that if I, were varied while I, remained fixed, the maximum peak level of
ior would change as I, was varied.

8.8 TRANSLINEAR MULTIPLIER

A translinear multiplier* is one approach for realizing a four-quadrant multiplier cir-
cuit. Multiplier circuits are useful in a variety of applications, such as frequency
modulators in communication systems or phase detectors in phase-locked loops. A
translinear multiplier can be realized using two translinear gain cells, as seen in the
six-transistor translinear multiplier shown in Fig. 8.30 [Gilbert, 1968b]. We can ana-
lyze this multiplier by making use of the results for the gain-cell circuit just discussed
preceding. Note that the preceding multiplier circuit is effectively two gain-cell cir-
cuits with their output signals cross-coupled. Specifically, one gain cell consists of
the two differential pairs Q,, Q, and Qs, Q, while the other gain cell consists of the
differential pair Q;, Q, and makes use of the same voltage generating pair, Q, Q.
Thus, recognizing the similarity of this circuit with that of Fig. 8.29 and making use
of (8.59) and (8.60), we find the following four collector currents:

4. A translinear multiplier is also commonly called a Gilbert multiplier or an analog multiplier.
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(L+i) (L+0y),
= + l]

iy ; o (8.62)
(L+iy) (y+iy),
icy = 22 2 _ 22112 i, (8.63)
L—-i) (L—i
ics = ( 22 ), ¢ 22[ I2)i, (8.64)
1
. (Li-iy) (I-iy),
oy = 5~ 22112 i (8.65)

Note here that we have made the substitutions of signal currents, I, +i,, in what was

simply a bias current of 21, in Fig. 8.29. In addition, once again these four collector

currents are linear in i, if i, remains a constant value and linear in i, if i, remains

constant. To find the output currents, we combine collector currents to obtain

L iz

ici+ics = L+ — (8.66)
1

L+,

and

. il

iy +ics = ;- 1 (8.67)
1

and taking the difference of these two equations resylts in

I-i,

i,
I
Thus, we see that the output signals are linear with respect to i, and can be scaled by
the ratio i,/1,. Also, note that i, can be made positive or negative (as it is the amount
of the bias current deviation from I,), and so the output current, i, is a scaled positive
or negative version of i,. A similar result occurs with respect to the output signal and
i;. Thus, this multiplier is called a four-quadrant multiplier. Recall that a gain cell can
only scale i; with respect to the ratio of two positive bias currents and is therefore
only a two-quadrant multiplier.

(8.68)

Iy

I, + iy IL+i, I, i, I, -i,

(Input 1)? 3 v V2 (Input 1)

Q Q,

i (Input 2) ¢l s ‘ (Input 2)

12—i2 Ig+i2

Fig. 8.30 A six-ransistor translinear multiplier.
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If voltage inputs, rather than current inputs, are desired, then one can precede the
multiplier with voltage-to-current converters. The simplest of these are differential
pairs having emitter degeneration. More linear, but more complicated, voltage-to-
current converters include local feedback to eliminate distortions due to the modula-
tion of the base-emitter voltages. Examples of these circuits are given in Chapter 15,
where continuous-time filters are discussed.

EXAMPLE 8.7

Consider the translinear multiplier circuit shown in Fig. 8.30, where [, and [,
are fixed bias currents of 100 pA and 200 LA, respectively. If i, is the gain-
controlling current, what is that maximum gain for i,/i,, assuming all transis-
tors should remain in the active region with at least 20 pA of emitter current?

Solution
To maintain 20 PA of current through Qg or Q. the magnitude of i, should be
limited to 80 pA. As seen from (8.68), such a limit results in the peak gains
being *0.8. A gain of zero would occur if collector currents of Q; and Q. were
equal.
Note that this multiplier circuit cannot get gain from i, to i,, while gain is
possible if the input signal is taken to be i,.
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8.10 PROBLEMS

Unless otherwise stated, assume the following:

* n-channel MOS transistors;
UCox = 92 HA/V’
Vin =08V
v =05 v'?
Fgs () = 8 000 L (]J,rn)/ID {mA) in active region,
Ci=24x10" pF/(pm)
CJSW =2.0x 10 pF/um
Cox=19x% 107 pF/(pm)
Cgs(overlap) - ng(overlap) = 2.0x 1074 pF/um
* p-channel MOS transistors:
ppcox = 30 pA/V’
=09V
'Y 2 ogv?
Fgs () = 12, OOO L (p.m)/ID (mA) in active region,
Cj=45x 107 pF/(um)
stw =25x 10 pF/um
Cox=19x 107 pF/(um)
Cgs(overiap) - ng(overlap) = 2.0x 10 pF/um

-

8.1 Using the transient analysis of SPICE with a sinusoidal input signal of 2 V peak-
to-peak, find the offset, gain, and linearity error of the simple S/H of Fig. 8.3.

8.2 Forthe T/H of Fig. 8.4, assume V,; is a 20-MHz sinusoid with a2 V, , ampli-
_tude. Also assume that ¢, is a 100-MHz square wave having a peak ampli-
tude of £2.5 V with rise and fall times of 1.5 ns. What is the maximum time
difference between the turn-off times of the n-channel and p-channel transis-
tors? Ignore the body effect.

8.3 The T/H of Fig. 8.5 has transistors that are 10 um,0.8 um and a 1-pF hold
capacitor. Assume the clock waveforms are fast enough that the channel charge
of the transistors is evenly distributed between the two junctions. Compare the
final hold pedestal between the case when the dummy switch turns on substan-
tially before the sampling switch turns oft, and the case when it turns on sub-
stantially after the sampling switch.
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Assume the second stage of the S/H of Fig. 8.10 has a gain of —30 and a unity-
gain frequency of 100 MHz. Also assume the input signal is a 5-MHz sinusoid
with a 2 V,_, amplitude and the clock signals are at 20 MHz and go between
4+2.5V and -2.5 V. with rise and fall times of 1.5 ns. What is the sampling time
uncertainty?

Assume the S/H of Fig. 8.12 is being realized in a BICMOS process. This
means that diodes and BJT transistors are available. Design a clock-driver cir-
cuit so that the clock voltages go from two diode drops above the input voltage
(in track mode) to two diode drops below the output voltage (in hold mode).
Assume the opamp in the S/H of Fig. 8.15 has a finite gain of Aj. Derive the
output voltage in terms of V,, and A, during hold mode (i.e., when ¢, is
high).

Derive the output voltage of the S/H of Fig. 8.19 at the end of ¢, in terms of
the input voltage at the end of @, the output voltage at the end of ¢, from the
previous period, and the capacitor ratio C,/C,. Take the z-transform of this
difference equation, and substitute z = €/®7 to find the frequency-domain
transfer function of the S/H. Making the assumption that @7 = 1+ joT for
w << (1/T) = f, where f, is the sampling frequency, show that

g = 2
-3dB — 27[02 clk

Assume the S/H of Fig. 8.21 has each of D and D, replaced by two series
diodes. Show the voltages at all nodes for the cases of sampling a 1 V input and
a—1 V input for before as well as after track mode.

Assume two transistors in a PTAT are biased at a current-density ratio of 8 : 1
at T = 320 °K. What is the difference in their base-emitter voltages and what
is its temperature dependence?

Assuming Vggo, = 0.65 V, what is the value required for K in order to get
zero temperature dependence at T = 320 °K for a current-density ratio of 8:1
in the two transistors?

Prove equations (8.22) and (8.23).

Find values for the bipolar reference of Fig. 8.25, where V,; = 2.5 V.,

Prove that equation (8.41) holds for the voltage reference of Fig. 8.27(b).
Consider the gain cell shown in Fig. 8.29, where [, is fixed to a bias current of
200 B A while I, varies such that the gain changes from 0.5 to 4. What are
the extreme values of I, needed? Also, what is the maximum peak current that
should be used for iy, assuming all transistors should remain in the active
region with at least 20 uA of emitter current?

Consider the translinear multiplier shown in Fig. 8.30, where I, = 100 pA,
I, = 200 pA , and i, is set such that the gain i,/i, = 0.5.1f a common-mode
noise signal of 5 WA appears on I, , what is the size of the output signal due to
that noise signal? Repeat for a common-mode noise signal on I,.

Repeat Problem 8.15 when the B’s of the transistors’ worst-case mismatch is 5
percent.
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8.17 Design a four-quadrant translinear multiplier having differential voltage-
current conversion stages based on emitter degeneration at both inputs and a
differential voltage output. All transistors should be biased at 0.2 mA. Design
the multiplier so that when both differential inputs are 1 V the differential out-
put should be 1 V. Assume a 5 V power supply is available.
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CHAPTER

| n Discrete-Time Signals

A basic understanding of discrete-time signal processing is essential in the design of
most modern analog systems. For example, discrete-time signal processing is heavily
used in the design and analysis of oversampling analog-to-digital (A/D) and digital-to-
analog (D/A) converters used in digital audio and instrumentation applications. Also,
a discrete-time filtering technique known as switched-capacitor filtering is probably
the most popular approach for realizing fully integrated analog filters. Switched-
capacitor filters are in the class of analog filters since voltage levels in these filters
remain continuous. In other words, switched-capacitor filters operate and are ana-
lyzed using discrete-time steps but involve no A/D or /A converters. This chapter
presents some basic concepts of discrete-time signals and filters.

OVERVIEW OF SOME SIGNAL SPECTRA

-

Consider the spectra of sampled and continuous-time signals in the block diagram
systems shown in Fig. 9.1, where it is assumed that the continuous-time signal, x.(t),
is band limited through the use of an anti-aliasing filter (not shown). DSP refers to
Discrete-time signal processing, which may be accomplished using fully digital pro-
cessing or discrete-time analog circuits such as switched-capacitor filters. Some

s® x(n) = x(nT) y(n) ¥s(t) Yen(t)
X (1) gxs(‘) Convert to v Convert to Analog | Yot
discrete-time —» DSPH™ impulse H» Hold MM low-pass [
sequence train filtler
{a)
Xgn(t) x(n) = x,(nT) y(n) Yer(t)

Xc(t) Samp|e AjD + D/A Analog y (t)
» and H> —» 5P P converter 1Y low-pass 7 °
hold converter with hold filter

(b}

Fig. 9.1 Perfarming DSP on analog signals. (o] Conceptual realization, and [b) typi-
cal physical realization.
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| 'tffg‘l“r/ i A‘/\ i .

(2mfy) /1, on A
A Xsh(l)
LT A X ()
L Pt
. B | VA A N f
T -L—‘l-_-‘_ fo fs 2f,
Time Frequency

Fig. 9.2 Some time signals and frequency specira.

example time signals and frequency spectra for this system are shown in Fig. 9.2.
Here, s(t) is a periodic impulse train in time with a period of T, where T equals the
inverse of the sampling frequency, f,. Some relationships for the signals in Figs. 9.1
and 9.2 are as follows:

1. X4(t) has the same frequency spectrum as X (1), but the baseband spectrum
repeats every f; (assuming that no aliasing occurs and hence, an anti-aliasing
filter is needed).

2. x(n) has the same frequency spectrum as X(t), but the sampling frequency is
normalized to 1.

3. The frequency spectrum for Xg,(1) equals that of X (t) multiplied by a
response of (sin x)/x (in effect, multiplying X;(f) by this response helps to
remove high-frequency images).

The remainder of this chapter confirms these spectral relationships and introduces
other basic discrete-time concepts.

9.2 LAPLACE TRANSFORMS OF DISCRETE-TIME SIGNALS

Consider the sampled signal, x4(1), related to the continuous-time signal, X(t), as
shown in Fig. 9.3. Here, X (1) has been scaled by 7 such that the area under the pulse
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x(t)
Tx (1) (All pulses)

ey
II || ".""‘n

n
P4 o7 37 M T & u Il
T t

r

Tx,,(1) (Single pulse at nT)

Fig. 9.3 Sampled and continuous-time signals.

at nT equals the value of X(nT). In other words, at t = nT, we have
X(nT)

X(nT) = (9.1)
such that the area under the pulse, 1X,(nT), equals X,(nT). Thus, as T — 0, the height
of X (t) attime NT goes to oo, and so we plot TX(t) instead of X(t).

We define 9(t) to be the step function given by

b (t=0)

9.2
0 (t<0) 2

W) = {
Then X (t) can be represented as a linear combination of a series of pulses, X,(1),
where x.,(1) is zero everywhere except for a single pulse at nT. The single-pulse sig-
nal, X, (1), can be written as
X(nT)

Xsall) =
T

[Ht-nT)—%t-nT-1)] (9.3)

so that we can now write X (1) as

X(t) = Y Xgolh) (9.4)

n=-—sa

Note that these signals are defined for all time, so0 we can find the Laplace trans-
form of X(1) in terms of X (t). Using the notation that X (5} is the Laplace transform
of X(t), we find the Laplace transform X,,(8) for X,,(1) to be given by

l _ e—ST

Xo(S) = %[ )xc(nT)e’S"T (9.5)

Since X(t) is merely a linear combination of X, (1), we also have (for T #0)

1-e*"

S

) Y xmTe™" (9.6)

n=—oe

Xq(s) = =

389 of 720




376  Chapter ¢ » Discrete-Time Signals

Using the expansion €* = 1+ X+ (x*/2!) + ..., when T — 0, the term before the
summation in (9.6} goes to unity. Therefore. in the limiting case as T — 0, we have
Xi(s) = 3 x(nTe™" 9.7)
l= —oo

Spectra of Discrete-Time Signals

The spectrum of the sampled signal, X.(1). can be found by replacing 8 by jw in (9.7).
However, a more intuitive approach to find the spectrum of X (t) is to recall that mul-
tiplication in the time domain is equivalent to convolution in the frequency domain. To
use this fact, note that, for T — 0, X (t) can be written as the product

X (1) = x(Dsit) (9.8)

where $(1) is a periodic pulse train, or mathematically,

s(t) = 2 St-nT) 9.9

N=-x

where (1) is the unit impulse function, also called the Dirac delta function. It is well
known that the Fourier transform of a periodic impulse train is another periodic impulse
train. Specifically. the spectrum of s(t). S(jw), is given by

S(jw) = ZT—“ > S(wﬁkz%t) {9.10)
K= _oo

Now writing {9.8} in the frequency domain, we have
. 1 . .
Xs(jon) = -Xo(j0) @ S(jeo) ©.11)

where ® denotes convolution. Finally, by performing this convolution either mathe-
matically or graphically, the spectrum of X (jw} can be seen to be given by

. v o (. jk2m
X (jo) = ?k-z Xc[]m—j?] 9.12)
or, equivalently,
X (f) = % Y X2t - jk2nf,) (9.13)
k=-=

Equations (9.12) and (9.13) show that the spectrum for the sampled signal, X(1),
equals a sum of shifted spectra of X,(1), and therefore no aliasing occurs if X (jo) is
band limited to f,/2. The relation in (9.13) also confirms the example spectrum for
Xq(f), shown in Fig. 9.2. Note that. for a discrete-time signal, X (f) = X (f £ kfy),
where K is an arbitrary integer as seen by substitution in (9.13).
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Finally, note that the signal x.(t) cannot exist in practice when t — 0 since an
infinite amount of power would be required to create it. (Integrating X (f) over all
frequencies illustrates this remark.)

9.3 z-TRANSFORM

For our purposes, the z-transform is merely a shorthand notation for (9.7). Specifi-
cally, defining

z=e" (9.14)

we can write

X@) = Y xmhz™" (9.15)

n=-—=

where X(2) is called the z- transform of the samples x(nT).
Two properties of the z-transform that can be deduced from Laplace transform
properties are as follows:

1. If x(n) > X(2), then X(n - k) ¢> 2 *X(2)

2. Convolution in the time domain is equivalent to multiplication in the fre-
quency domain. Specifically, if y(n) = h(n) ® x(n), where ® denotes convo-
lution, then Y(Z) = H(Z)X(z). Similarly, multiplication in the time domain is
equivalent to convolution in the frequency domain.

Note that X(zZ)} is not a function of the sampling rate but is related only to the
numbers X (NT), whereas X,(s) is the Laplace transform of the signal x.(t) as T — 0.
In other words, the signal x(n) is simply a series of numbers that may (or may not)
have been obtained by sampling a continuous-time signal. One way of thinking about
this series of numbers as they relate to the samples of a possible continuous-time sig-
nal is that the original sample time, T, has been effectively normalized to one (i.e.,
fs = 1 Hz). Such a normalization of the sample time, T, in both time and frequency,
justifies the spectral relation between X (f) and X(w) shown in Fig. 9.2. Specifically,
the relationship between X, (f) and X(w) is given by

2nf
X,(f) = x[ﬂ) (9.16)
fs
or, equivalently, the following frequency scaling has been applied:
o= M 9.17)
ts

This normalization results in discrete-time signals having ® in units of radians/
sample, whereas the original continuous-time signals have frequency units of cycles/
second (hertz) or radians/second. For example, a continuous-time sinusoidal signal of
1 kHz when sampled at 4 kHz will change by n/2 radians between each sample.
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Fig. 9.4 Some discretetime sinusoidal signals.

Therefore, such a discrete-time signal is defined to have a frequency of
n/2 rad/sample. Other examples of discrete-time sinusoidal signals are shown in
Fig. 94. It should be noted here that discrete-time signals are not unigue since the
addition of 21 results in the same signal. For example, a discrete-time signal that has
a frequency of m/4 rad/sample is identical to that of 9%/4 rad/sample. Thus, nor-
mally discrete-time signals are defined to have frequency components only between
-1 and 7 rad/sample. For a more detailed discussion of this unit topic, see [Proakis,

1992].

EXAMPLE 9.1

Consider the spectra of X (f) and X (f), shown in Fig. 9.2, where f, is 1 Hz and
fs is 4 Hz. Compare the time and spectrum plots of X (f) and X,(f), where
Xso(f) is sampled at 12 Hz. How does X(t) differ between the two sampling

rates?

Solution
By sampling at 12 Hz, the spectrum of X (f) repeats every 12 Hz, resulting in

the signals shown in Fig. 9.5.
Note that, for X(w), 4 Hz is normalized to 2r rad/sample, whereas for

X (). 12 Hz is normalized to 2x rad/sample.
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x(n) X (6), X(w)
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Fig. 9.5 Comparing time and frequency of two sampling rates.

9.4 DOWNSAMPLING AND UPSAMPLING

Two operations that are quite popular in discrete-time signal processing are down-
sampling and upsampling. Downsampling is used to reduce the sample rate (hope-
fully, without information loss), whereas upsampling is used to increase the sample
rate. Although noninteger downsampling and upsampling rates can be achieved, here
we consider only the case in which L is an integer value.

Downsampling is achieved by keeping every Lth sample and discarding the others.
As Fig. 9.6 shows, the result of downsampling is to expand the original spectra by L.
Thus, to avoid digital aliasing, the spectra of the original signal must be band limited to
nt/L before downsampling is done. In other words, the signal must be sampled L times
above its minimum sampling rate so that no information is lost during downsampling.

Upsampling is accomplished by inserting L — 1 zero values between samples,
as shown in Fig. 9.7. In this case, one can show that the spectra of the resulting

2n 0 - 2n
(b)

MDI1A—
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Fig. 9.7 Upsampling by 4. {a) time domain, and {b} frequency domain.

upsampied signal are identical to the original signal but with a renormalization
along the frequency axis. Specifically, when a signal is upsampled by L, the fre-
gquency axis is scaled by L such that 21 now occurs where L2t occurred in the
original signal. This operation is useful when one wishes to increase the effective
sampling rate of a signal, particularly if postfiltering is then applied.

Follow the next two examples carefully—they help explain the spectral changes
due to downsampling and upsampling.

EXAMPLE 9.2 =

As an example of downsampling of the signal X,(n) in Example 9.1, find the
new spectrum, X;(w), when every third sample is kept and the others are dis-
carded (i.e., when we downsample by 3). In other words, if the originai series of
numbers is X, X,, X3, X4 ... , the new series is X, Xy, X7, X495+ - . o

Solution

Clearly the solution here is that the new sequence is equivalent to X(n) in
Example 9.1, and thus its spectrum is simply X;(®) = X(w).

Note that no information was lost in this example because the initial images of
the signal x,(n) were far enough apart. However, if the downsampling operation
results in the spectra overlapping one another, then an aliasing phenomenon
occurs that is similar to that which occurs when sampling an analog signal lower
than the Nyquist rate. In fact, it can be shown that, to avoid any aliasing during
downsampling by the factor L, the original signal should be band limited to n/L.

EXAMPLE 9.3

As an example of upsampling of the signal x(n) in Example 9.1, find the new
spectrum, X, ()}, if two zeros are inserted between each sample (i.e., if we
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upsample by 3). In other words, if the original series of numbers was x(n) =
X, X3, X3, ... and had a spectrum X(w), then the new series of numbers is now
X4(N) = (x,.0,0, x5, 0,0, X3, ...} and has a spectrum X ,(®).

Solution

Perhaps the simplest way (o conceptualize the insertion of these extra 0 samples
in a series is to look at X..(f) in time and frequency when we let fg, = 12 Hz.
Recall that x_,(1) is defined for all time, where it is zero between its impulses,
and the Laplace transform is used to observe its frequency response. With such a
sampling frequency, we note that X, (t) is equal to the signal X.(1), and thus
Xsa(F) = X, (F). To find X,(®), recall that it is simply a frequency normalization
of X, 4(f), where the sampling frequency is normalized to 2n. In other words,
the series X(n) is simply a normalization of the time between impulses to 1.
However, by inserting extra zeros between samples, the normalization is effec-
tively being done for a time period smaller than that between nonzero impulses.
Thus, the images remain the same while the normalization along the frequency
axis is different.

In this example. since two zeros are inserted, the effective sampling rate
might be thought of as 12 Hz, but now the images at 4 Hz and 8 Hz remain
in contrast to X,(®} in Example 9.1. The resulting signals are shown in
Fig. 9.8.

Finally, note that if signal processing is used on the samples x,(n) to elimi-
nate the two images at (21)/3 and (4n)/3, then the resulting signal will equal
X,{n). In other words, as long as an analog signal is originally sampled higher
than the Nyquist rate, we can use upsampling and digital-signal processing to
derive signals that are the same as if the analog signal were sampled at a much
higher rate.

Xq{n) %.(1)
I [ IZI (seconds)

025 05 l [ I I<—__1xs4(t)_rx5(t)

(3) (6)
Time

Xsa(h), Xo(w)

JANSVANSVANSAN

} p |
1 Hz 4 Hz 12 Hz 16 Hz
& 5 e o & "
6 3 Frequency 3

Fig. 9.8 Spectrum of a discrete-time signal upsampled by 3.
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9.5 DISCRETE-TIME FILTERS

Thus far, we have seen the relationship between continuous-time and discrete-time
signals in the time and frequency domain. However, often one wishes to perform fil-
tering on a discrete-time signal to produce another discrete-time signal. In other words,
an input series of numbers is applied to a discrete-time filter to create an output series
of numbers. This filtering of discrete-time signals is most easily visualized with the
shorthand notation of z-transforms.

Consider the system shown in Fig. 9.9, where the output signal is defined to be
the impulse response, h(n), when the input, u(n), is an impulse (i.e., 1 for n = 0 and
0 otherwise). The transfer function of the filter is said to be given by H(z), which is
the z-transform of the impulse response, h(n).

Frequency Response of Discrete-Time Filters

The transfer functions for discrete-time filters appear similar to those for contimuous-
¥ time filters, except that, instead of polynomials in 8, polynomials in z are obtained,
, For example, the transfer function of a low-pass, continuous-time filter, H_(s), might

appear as

4
H.(s) = - (9.18)
S +25+4

The poles for this filter are determined by finding the roots of the denominator poly-
nomial, which are — 1.0 + 1.7321] for this example. This continuous-time filter is also
defined to have two zeros at oo since the denominator polynomial is two orders higher
than the numerator polynomial. To find the frequency response of H(s), the poles
and zeros can be plotted in the s-plane (Fig. 9.10(a)), and the substitution § = j is
equivalent to finding the magnitude and phase of vectors from a point along the jm
axis to all the poles and zeros.
An example of a discrete-time, low-pass transfer function is given by the follow-
;3 ing equation:
H(z) = 2&" (9.19)
27 -1.6Z+0.65

Here, the poles now occur at 0.8+ 0.1j in the z -plane, and two zeros are again
at . To find the transfer function of H(z), the poles and zeros can be plotted in
the z-plane; however, instead of going along the vertical jw axis as in the S-plane,

un) —jp H(z) —p Y(N)
(¥(n) eguals h(n) if u(n)is an impulse)

{Discrete-time filter)

Fig. 9.9 Discrete-time filter system.
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Fig. 9.10 Transfer function response. [a) Continuoustime, and {b} discrete-time.

the unit circle contour is used, so that z = e'®, as shown in Fig. 9.10¢k). Note that
substituting z = e'” in the z-domain transfer function, H(z), is simply a result of
substituting S = jw into (9.14), where T has been normalized to 1, as discussed in
Section 9.3, Also note that poles or zeros occurring at 2 = 0 do not affect the
magnitude response of H(z) since a vector from the origin to the unit circle always
has a length of unity. However, they would affect the phase response.

We see here that in the discrete-time domain, Z = 1 corresponds to the fre-
quency response at both dec (ie., ® = 0) and at @ = 2x. Also, the time normaliza-
tion of setting T to unity implies that ® = 2x is equivalent to the sampling-rate
speed (ie., f = {) for X (f). In addition, note that 1he frequency response of a filter
need be plotted only for 0 < w < w (i.e., 0 < w <f,/2) since, for filters with real coef-
ficients, the poles and zeros always occur in complex-conjugate pairs (or on the real
axis), so the magnitude response of the filter is equal to that for & £ < 2w (the fil-
ter’s phase is antisymmetric). Going around the circle again gives the same result as
the first time, implying that the frequency response repeats every 2.

Before we leave this section, a word of caution is in order, To simplify notation,
the same variables, f and m, are used in both the continuous-time and discrete-time
domains in Fig. 9.10. However, these variables are not equal in the two domains, and
carc should be taken not to confuse values from the two domains. The continuous-
time domain is used here for illustrative reasons only since the reader should already
be quite familiar with transfer function analysis in the S-domain. In summary, the
unit circle, €', is used to determine the frequency response of a system that has its
input and output as a series of numbers, whereas the jw-axis is used for a system that
has continuous-time inputs and outputs. However, « is different for the two
domains.

EXAMPLE 9.4

Assuming a sample rate of f, = 100 kHz, find the magnitude of the transfer
function in (9.19) for 0 Hz, 100 Hz, 1 kHz, 10 kHz, 350 kHz, 90 kHz, and
100 kHz.

397 of 720




384 Chapter 9 # Discrete-Time Signals

Table 9.1 Finding the gain of H(z) at some example frequencies

Z-plane locations

Frequency .
(kHz) e Z = X+jy IH2)|
0 e 1.0 +j0.0 10
0.1 "™ 0.9999803 +j0.00628314  0.9997
1 g/ " 0.9980267 +j0.06279052  0.968
10 gl?*" 0.809 + j0.5878 0.149
50 e’ —10+j00 0.0154
90 et tr 0.809 - j0.5878 0.149
100 " 1.0 +j0.0 1.0
Solution

To find the magnitude of H(2) at these frequencies, first we find their equiva-
lent z-domain locations by normalizing f, to 2@, Next, we find the gain of
H(2) by putting these z-domain values into (9.19) and finding the magnitade of
the resulting complex value. Table 9.1 summarizes the results,

Note that the gain of H(z) is the same at both 0 Hz and 100 kHz, as
expected, since their z -plane locations are the same. Also, the gain is the same
at both 10 kHz and 90 kHz since their Z-plane locations are complex conjugates
of each other. Finally, note that the minimum gain for this transfer function
occurs at z = —1, or equivatently, f,/2 = 50 kHz.

EXAMPLE 9.5

Consider a first-order H(z) having its zero at = and its pole on the real axis,
where 0 < a < |. Mathematically, the transfer function is represented by H(z) =
b/(z — a). Find the value of @, where the magnitude of H(z) is 3 dB lower
than its dc value. What is the 3-dB value of ® for a real pole at 0.87 What frac-
tion of the sampling rate. f,, does it correspond to?

Solution
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Consider the pole-zero plot shown in Fig. 9.11, where the zero is not shown
since it is at e=. Since the zero is at e, we need be concerned only with the mag-
nitude of the denominator of H(z) and when it becomes ﬁ larger than its dc
value. The magnitude of the denominator of H(z) for z = 1 (i.e., dc) is shown
as the vector I, in Fig. 9.11. This vector changes in size as z goes around the
unit circle and is shown as I, when it becomes J2 larger than I,. Thus we can
write,

= .J/2(1-a) (9.20)
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z-plane

L =e%-a=2(1-a)

3\1.
a

= I, 1=0-a)

Fig. 9.11 Pole-zero plot used to determine the 3-dB fre-
quency of a firstorder, discretetime filler,

Writing el = cos (@) + jsin{(®), we have

[(cos(®) —a) +]jsin(w)]* = 2(1 -a)’ (921)
cos’ () — (2a) cos(®) + a’ + sin’(w) = 2(1 -a)’ (9.22)
1-(2a) cos(w)+a* = 2(1-2a+a’) (9.23)
which is rearranged to give the final result.
® = cos“(z _a_ l) (9.24)
2 2a

For a = 0.8, ® = 0.2241 rad, or 12.84 degrees. Such a location on the unit
circle corresponds to 0.2241/(2n) times f, or, equivalently, f./28.04.

Stability of Discrete-Time Filters

To realize rational polynomials in Z, discrete-time filters use delay elements (i.e.,
z bulldmg blocks) much the same way that analog filters can be formed using inte-
grators (i.e., 8 bu1]dmg blocks). The result is that finite difference equations repre-
sent discrete-time filters rather than the differential equations used to describe
continuous-time filters.

Consider the block diagram of a first-order, discrete-time filter shown in Fig. 9.12.
A finite difference equation describing this block diagram can be written as

y(n+ 1) = bx(n) + ay(n) (9.25)
In the z-domain, this equation is written as
zY(z) = bX(z)+aY(2) (9.26)

where the z-domain property of delayed signals is used. We define the transfer func-
tion of this system to be H(Z) given by
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yin+1)

b
X(N) o—3 .? » z p ()

a

Fig. 9.12 A first-order, discretetime filter.

Y(z) b
Hz) = — = — 9.27
@ Xz) z-a ©.2D
which has a pole on the real axisat z = a.
To test for stability, we let the input, x(n), be an impulse signal (i.e.,, [ forn = 0
and 0 otherwise). which gives the following output signal, according to (9.25),

y(0) = k
where K is some arbitrary initial state value for y.
y(l) = b+ak
y(2) = ab +a’k
y(3) = a’b+a’k
y4) = a’b+a’k

-

More concisely, the response, h(n), is given by

hin) = { 0 el (9.28)
(@" 'b+a"k) (nz21)

Clearly, this response remains bounded only when |a| < 1 for this first-order filter and
is unbounded otherwise.

Although this stability result is shown only for first-order systems, in general, an
arbitrary, linear, time-invariant, discrete-time filter, H(z), is stable if and only if all its
poles are located within the unit circle. In other words, if z,; are the poles, then
|Zp < 1 for all i. Locating some poles on the unit circle is similar to poles being on
the imaginary jm-axis for continuous-time systems. For example, in the preceding
first-order example, if @ = 1, the pole is at Z = I, and the system is marginally sta-

ble (in fact, it is a discrete-time integrator). If we let a = -1, this places the pole at
Z = -1, and one can show that the system oscillates at f_/2, as expected.
IIR and FIR Filters

Infinite-impulse-response (IIR) filters are discrete-time filters that, when excited by
an impulse, their outputs remain nonzero, assuming infinite precision arithmetic. For
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example, the filter given in (9.27) is an IIR filter (for a not equal to zero) since,
although its impulse response decays to zero (as all stable filters should), it remains
nonzero for a finite value of n.

Finite-impulse-response (FIR) filters are discrete-time filters that, when excited
by an impulse, their outputs go precisely to zero (and remain zero) after a finite value
of n. As an example of an FIR filter, consider the following filter,

y(n) = é[x(n) +X(N=1)+x(n-2)] (9.29)

Defining the transfer function for this filter to be H(z), we can easily show that
I i
Hiz) = -Y 2 9.30
@ 32 (9.30)

This filter is essentially a running average filter since its output is equal to the average
value of its input over the last three samples. Applying an impulse signal to this filter
results in an output that is nonzero for only three samples and, therefore, this is an FIR
type filter. Note that this FIR filter has poles, but they all occur at z = 0,

Some advantages of FIR filters are that stability is never an issue (they are always
stable) and exact lincar phase filters can be realized (a topic beyond the scope of this
chapter). However, for many specifications, an IIR filter can meet the same specifica-
tions as an FIR filter, but with a much lower order, particularly in narrowband filters
in which the poles of an IIR filter are placed close to the unit circle (i.e., has a slowly
decaying impulse response). -

Bilinear Transform

With modern filter design software, desired discrete-time transfer functions that meet
specifications can be obtained entirely within the discrete-time domain. However,
another approach draws on the wealth of knowledge of continuous-time transfer-
function approximation and uses the bilinear transform. Assuming that H(p) is a
continuous-time transfer function (where p is the complex variable equal to &, +jQ),
the bilinear transform is defined to be given by

z
p = - (9.31)
The inverse transformation is given by

;= L+P (932)

1. It should be noted here that in many other textbooks, the bilinear transform is defined as § =
(2/T)(z2-1)/(z+ 1)] where T is the sampling period. Here, we have normalized T 1o 2 since we use
the bilinear transform only as a temporary transformation to a continuous-time equivalent, and then we
inverse Lransform the result back to discrete time. Thus. the value of T can be chosen arbitrarily as long as
the same value is used in each transformation,
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A couple of points of interest about this bilinear transform are that the z-plane loca-
tions of 1 and -1 (i.e., dc and f./2) are mapped to p-plane locations of 0 and o,
respectively. However, with a little analysis, we will see that this bilinear transforma-
tion also maps the unit circle, z = @', in the z-plane to the entire jQ -axis in the p-
plane. To see this mapping, we substitute Z = €' into (9.31),

. it |
0| el (e”“”” e J(w/Z))

jo T . .
e +1 eJ(m/z)(eJ(w/z} + e—j(m/Z)) (9.33)

_ 2j sin(w/2)

= jlan(w/2)
2 cos{w/2)

Thus, we see that points on the unit circle in the z -plane are mapped to locations on
the j§2 -axis in the p-plane, and we have

Q = tan(w/2) (9.34)

: As a check, note that the z-plane locations of 1 and -1, which correspond to @
equal to 0 and =, respectively, map to € equal to 0 and oe.
| One way to use this transform is to design a continuous-time transfer function,
' H.(p), and choose the discrete-time transfer function, H(z), such that

H(z) = H.[(z-1)}/(z+ 1}] (9.35)
With such an arrangement, one can show that>
He') = H,[jtan(®/2)] (9.36)

and so the response of H(2) is shown to be equal to the response of H{(p), except with
a frequency warping according to (9.34). Note that the order of H(z) equals that of
H(p) since, according to (9.35), each p termisreplaced by another first-order function.

EXAMPLE 9.6

Using the bilinear transform, find the 3-dB frequency of a first-order discrete-
time filter, H(z), that has a pole at 0.8 and a zero at —1.

Solution

Using (9.31), we see that the z-plane pole of 0.8 and zero of —1 are mapped
to a pole at —0.11111 and to a zero at = in the p-plane, respectively. Such a
continuous-time filter has a 3-dB frequency at £ = 0.11111 rad/s. Using
(9.34), wefind that the equivalent 3-dB frequency value in the Z -plane is given
by @ = 0.2213 rad/sample, or f,/28.4.

Note that this result is very close to that in Example 9.5. However, the two
results are not in exact agreement since a zero at -1 is also present in this example.
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EXAMPLE 9.7
Using the bilinear transform, find a first-order H(z) that has a 3-dB frequency
at f,/20, a zero at -1, and a dc gain of 1.
Solution

Using (9.34), the frequency value, f,/20, or equivalently, ® = (2mr)/20 =
0.314159 is mapped to Q = 0.1584 rad/s. Thus, H,(p) should have a 3-dB
frequency value of 0.1584 rad/s. Such a 3-dB frequency value is obtained by
having a p -plane zero equal to = and a pole equal to 0.1584. Transforming
these continuous-time pole and zero back into the z-plane using (9.32) results in
a z-plane zero at —1 and a pole at 0.7265. Therefore, H(2) appears as

kiz+1)

H(z) = ———
@) z-0.7265

The constant k can be determined by setting the dc gain to 1, or equivalently,
[H(1)| = 1, whichresults in k = 0.1368.

9.6 SAMPLE-AND-HOLD RESPONSE

In this section, we look at the frequency responge that occurs when we change a
discrete-time signal back into an analog signal with the use of a sample-and-hold cir-
cuit. Note that here we plot a frequency response for all frequencies (as opposed to only
up to f,/2) since the output signal is a continuous-time signal rather than a discrete-
time one.

A sample-and-hold signal, X (1), is related to its sampled signal by the mathe-
matical relationship

Xsn® = 3 X(MT[B(t-nT) -3t -nT-T)] (9.37)

n=_e

Note that, once again, X, (1) is well defined for all time, and thus the Laplace trans-
form can be found to be equal to

-sT =
Xeh(8) = l_: Y xnTye™""
n=e (9.38)
1 7eST
= X(s)

This result implies that the hold transfer function, Hg,(8), is equal to

(9.39)

403 of 720




390  Chapter 9 * Discrete-Time Signals

|Hsh(jm)i

N | P —
-3, —2f, ~f 0 f 2f, 3f,
Fig. .13 Sample-and-hold response [also called the sinc response].
It should be mentioned here that this transfer function is usually referred to as the

sample-and-hold response although, in fact, it only accounts for the hold portion.
The spectrum for Hy,(S) is found by substituting § = j® into (9.39), resulting in

: 1-eT Jetr2 . sin(T/2)
H =———— =T o —_— 9.40
shij@) o xe X T/ 2) (9.40)
The magnitude of this response is given by
: o lsin(eT/2)
| Hanliol = T35
or
|sin(mf/f)|
Haa)| = T————
(51 (941)

and is often referred to as the (sin X)/X or sinc response. This magnitude response is
ilustrated in Fig. 9.13.

Multiplying this sinc response by X (f) in Fig. 9.2 confirms the spectral relation-
ship for X (). It should be noted here that this frequency shaping of a sample and
hold occurs only for a continuous-time signal. Specifically, although the sample and

| hold before the A/D converter shown in Fig. 9.1(b) would result in X () having

f smaller images at higher frequencies (due to the sinc response), the images of x(n)
are all of the same height (i.e., they are not multiplied by the sinc response) since it is
a discrete-time signal, In other words, a sample and hold before an A/D converter
simply allows the converter to have a constant input value during one conversion and
does not aid in any anti-aliasing requirement.

EXAMPLE 9.8

Consider the discrete-time signal processing system shown in Fig. 9.1(b), where a
sample (and clock rate) of 50 kHz is used and the digital filter has the response
0.2
z-08

For a 10-kHz input sinusoidal signal of 1 V rms, find the magnitude of the
output signal, ¥¢,(1), at 10 kHz, and at the images 40 kHz and 60 kHz. Assume

H(z) =
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the quantization effects of the A/D and ID/A converters are so small that they can
be ignored. Also assume the converters complement each other such that a 1-V
dc signal into the A/D converter results in a 1-V dc signal from the D/A con-
verter if the converters are directly connected together.

Solution

First, the magnitude of H(z) is found for a 10-kHz signal when the sampling
rate is 50 kHz by noting that

gm0 KSOH - 0% = c05(0.47) + jsin(0.47)
= 0.309017 + j0.951057
and therefore the gain of H(z) for a 10-kHz signal is found to be given by,
0.2

IHEe™ ™| =

= , = 0.186864
(0309017 — 0.8) +[0.951057]

To determine the magnitude of y (1) at various frequencies, we need only
multiply the filter’s gain by the sinc response shown in Fig. 9.13. Specifically,
the magnitude of the sample-and-hold response for a 10-kHz signal when using
a 50-kHz clock is equal to

sin{m10/50)
(m10/50)

and therefore the magnitude of y (1) at 10.kHz is equal to 18686 x 0.9355 =
175 mV ¢ (note that the T term cancels with a similar T term due to the cre-
ation of a discrete-time signal-—see (9.13) in Section 9.2). Similarly, the magni-
tude of Hg,(f) at 40 kHz and 60 kHz is 0.2399 and 0.1559, respectively,
resulting in the magnitude of y., (1) at 40 kHz and 60 kHz to be 43.7 and
29.1 mV ., respectively.

[Hy(10kHz)| = T = 0.9355T
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9.8 PROBLEMS

9.1 Show that if X(n) <> X(2), then x(n —k) & z *X(2).
9.2 What is the maximum amount of downsampling that can be applied to X¢,(n)
in Example 9.1 before ahasing occurs?
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Is downsampling a time-invariant operation? If so, explain. If not, give a sim-
ple counter example. Is downsampling a linear operation?
Repeat Example 9.3, but upsample by 8 (i.e., insert 7 zeros between samples).
Upsampling and downsampling are often used for converting between
two sample rates. Give a block diagram showing how one might convert
0 - 20 kHz band-limited audio signal from a sampling rate of 50 kHz to
40 kHz.
Find the location of the poles and zeros of the transfer function given by H(z)
in{(9.19).
Find the location of the pole required in a first-order filter that has its zero at o
such that its 3-dB frequency is at f,/10.
Sketch the magnitude response (in dB) of the following transfer function, H(z),
by finding the gains at dc and at @ = m, as well as the location of the 3-dB
frequency.
0.05z
Z2-095
Consider the following difference equation, which describes a filter with input
u{n) and output y(n).
y(n) = u(n)-0.3y(n-1)

Determine y(n) when u(n) is an impulse (i.e., when the impulse is 1 at n = 1
and 0 otherwise) assuming y(0) = 0. _

Find a first-order H(z) that has a 3-dB frequency at f,/30, a zeroat -1, and a
dc gain of 1. Sketch the magnitude response fromw = Oto © = 27

H{z) =

Using a bilinear transform, find an H(Z) to realize a second-order transfer
function with a dc gain of one, a maximally-flat passband (i.e., Q = 1/42 in
the continuous-time domain), and a -3-dB frequency at 1 kHz when the sam-
pling rate is 100 kHz.

Find the output sequence of a discrete-time integrator, H(z) = 1/(z-1),
when its input is a sinusoidal waveform of peak height 1 at f;/4 and its initial
state is zero. In other words, the input waveform is the series of numbers
{1,0,-1,0,1,0,-1, ...}. Using a frequency analysis, what is the magnitude
and phase response for H(z) at f,/4? Check the frequency domain result with
the time domain result.

A 100-Hz sinusoidal signal, x(n}, is digitally created using a 400-Hz sam-
pling rate producing a sample-and-hold signal, Xg,(t). Before any smoothing
filter is applied and assuming the magnitude of Xg,(1) at 100 Hz is 1 V
what is the magnitude of X ,(t)} at 300 Hz? Also, find the magnitude of Xg,(1)
at 500 Hz and at 700 Hz .

Repeat Problem 9.13, but assume the 100-Hz signal is digitally created using a
10-kHz signal, and find the magnitude of X.,(t) at 9.9 kHz and at 10.1 kHz.

Repeat Example 9.8, but assume an input signal frequency of 100 Hz and find
the magnitude of the output signal, y,(1), at 100 Hz, 99.9 kHz , and 100.1 kHz.
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9.16 A 0-5-kHz voiceband microphone is modelled as having a low-pass, first-
order frequency response with a pole at 10 kHz. If the microphone output is
sampled at 100 kHz, how much attenuation is required in the anti-aliasing fil-
ter for 80-dB noise rejection around 100 kHz?
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CHAPTER

10

Switched-Capacitor
Circuits

Perhaps the most popular approach for realizing analog signal processing in MOS (or
BiCMOS) integrated circuits is through the use of switched-capacitor circuits
[Poschenrieder, 1966; Fried, 1972; Caves, 1977, Hosticka, 1977, Young, 1977]. A
switched-capacitor circuit operates as a discrete-time signal processor (although with-
out the use of A/D or D/A converters). As a result, these circuits are most easily ana-
lyzed with the use of z-transform techniques and typically require anti-aliasing and
smoothing filters.

As a filtering technique, switched-capacitor circuits have become extremely pop-
ular due to their accurate frequency response as well as good linearity and dynamic
range. Accurate discrete-time frequency responses are obtained since filter coeffi-
cients are determined by capacitance ratios which can be set quite precisely in an inte-
grated circuit (on the order of 0.1 percent). Such an accuracy is orders of magnitude
better than that which occurs for integrated RC time constants (which can vary by as
much as 20 percent). Once the coefficients of a switched-capacitor discrete-time filter
are accurately determined, its overall frequency response remains a function of the
clock (or sampling) frequency. Fortunately, clock frequencies can also be set very
precisely through the use of a crystal oscillator.

In addition to creating filtering functions, switched-capacitor circuit techniques
can be used to realize a variety of other signal-processing blocks such as gain-stages,
voltage-controlled oscillators, and modulators. This chapter will introduce the basic
principles of switched-capacitor filters as well as some other nonfiltering functions
realized using switched-capacitor circuits.

10.1 BASIC BUILDING BLOCKS

Opamps

A switched-capacitor circuit is realized with the use of some basic building blocks
such as opamps, capacitors, switches, and nonoverlapping clocks. Brief descriptions
of each of these blocks and their important nonidealities with respect to switched-
capacitor circuits are given in this section.

The basic principles of switched-capacitor circuits can be well understood assuming
ideal opamps. However, some important opamp nonidealities in practical switched-

394

408 of 720




10.1 Basic Building Blocks 395

capacitor circuits are dc gain, unity-gain frequency and phase-margin, slew-rate, and dc
offset. Of less concern is opamp input impedance as it is essentially capacitive assum-
ing MOSFET input stages are used.!

The dc gain of opamps in a MOS technology intended for switched-capacitor cir-
cuits is typically on the order of 40 to 80 dB. Low dc gains affect the coefficient accu-
racy of the discrete-time transfer function of a switched-capacitor filter.

The unity-gain frequency and phase margin of an opamp gives an indication of the
small signal settling behavior of an opamp. A general rule of thumb is that the clock
frequency should be at least five times lower in frequency than the unity-gain fre-
quency of the opamp assuming little slew-rate behavior occurs and the phase margin is
greater than 70 degrees. Modern SC circuits are often realized using high-frequency
single-stage opamps having very large output impedances (on the order of 100 kQ or
much larger). Since the loads of these opamps are purely capacitive (never resistive),
their dc gains remain high despite the lack of an output buffer stage. It should be noted
here that their unity-gain frequency and phase margin are determined by the load
capacitance, which also serves as the compensation capacitor. Thus, in these single-
stage opamps, doubling the load capacitance would halve the unity-gain frequency and
improve the phase margin.

The finite slew rate of an opamp can limit the upper clock rate in a switched-
capacitor circuit as these circuits rely on charge being quickly transferred from one
capacitor to another. Thus, at the instance of charge transfer, it is not uncommon for
opamps to slew-rate limit.

A nonzero dc offset can result in a high output dc offset for the circuit depending
on the topology chosen. Fortunately. a technique known as correlated double sam-
pling can significantly reduce this output offset and at the same time reduce low fre-
quency opamp input noise (known as 1/f noise).

Capacitors

4 A highly linear capacitance in an integrated circuit is typically constructed between
3 ' two polysilicon layers, as shown in Fig. 10.1(a).> These capacitors are known as
double-poly capacitors. The thin oxide is an insulating layer separating the two rela-
tively conductive polysilicon layers, while the thick oxide is also an insulating layer
but of much thicker width. The desired capacitance, C,, is formed as the intersection
of area between the two polysilicon layers, polyl and poly2. However, since the
substrate below the poly2 layer is an ac ground (the substrate is connected to one of
the power supplies or analog ground), there also exists a substantial parasitic capaci-
tance, C,,, which may be as large as 20 percent of C,. This large parasitic capaci-
tance, C,,, is known as the bottom plate capacitance. A top plate capacitance, Cp,,

1. BJT input stages are rarety used as they would result in charge leakage due to their nonzero input bias
current.

2. It is also possible to realize capaciters between other layers such as polysilicon and heavily-doped sili-
con, or between two metal layers.
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Switches

Metal C1 Metal

(Din oxide

2oz Thick oxide Bottom plate 1

e
pfl: lcpz

(Substrate - ac ground)

Cross section Equivalent circuit
(a) : (b)

Fig. 10.1 A double-poly capacitor, C;. Note that a large parasitic capacitance, C,p,
fo ground exists on the bottom plate of C, while a smaller parasitic capacitance, C,,
exists on the top plate.

also exists due primarily to the interconnect capacitance, but it is typically much
smaller (on the order of 1 to 5 percent of C,). In summary, the equivalent model for
a single integrated capacitor is three capacitors, as shown in Fig. 10.1(b), where the
bottom plate is often explicitly shown to indicate that a larger parasitic capacitance
occurs on that node.

The requirements for switches used in switched-capacitor circuits are that they have a
very high off resistance (so little charge leakage occurs), a relatively low on resistance
(so that the circuit can settle in less than half the clock period), and introduce no offset
voltage when turned on (as does a bipolar switch whose on voltage equals Vg sap)-
The use of MOSFET transistors as switches satisfies these requirements, as MOSFET
switches have off resistances in the GQ r:sm,ge,3 have no offset on voltages, and have
on resistances in the 100 € to 5 kQ range depending on transistor sizing.

The symbel for a switch and some MOSFET circuits that realize a switch are
shown in Fig. 10.2. Here, the signal ¢ is one of two logic levels typically correspond-
ing to the maximum and minimum power supply levels. As a convention, when the
clock signal ¢ is high, the switch is assumed to be on (i.e., shorted). Although a
switch can be implemented using a single transistor, as shown in Fig. 10.2(b) and
Fig. 10.2(c), the signal range of the switch is reduced. For example, consider the ideal
n-channel transistor switch shown in Fig. 10.2(bh) being used in a circuit having
power supplies of O to 5 V and a threshold voltage of V,, = 0.8 V. The switch can

3. Leakage current is typically dominated by reverse biased diodes rather than the MOSFET channel which
is assumed off.
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¢ o
1 1
vy oJLo Vo V4 o—F L Vo
(a) (0)
_ 0
0 o—|>oj \ ,
Vie TT o, q?{
0

(c) ()

Fig. 10.2 Switch symbol and some transistar circuits: (a) symbol, [b) n-
channel switch, {c] p-channel switch, (d) transmission gote.

always be turned off irrespective of the input voltage by putting O V on its gate. How-
ever, when the switch is omn, its gate voltage will be V5 or 5 V; in this case, the
switch can only equalize the two voltages if V| and/or V, are lower than Vg - Vy,
or around 4.0 V taking the body effect into account. Thus, the signal range for this
switch is limited from 0 to 4.0 V. A similar argument can be made for the p-channel
switch shown in Fig. 10.2(c) except that its signal range would be limited from 1.0 to
5 V. While this signal range is acceptable in many $itvations, the full signal range of 0
to 5 V can be achieved using two transistors in parallel, as shown in Fig. 10.2(d). This
combination is commeonly called either a CMOS switch (as opposed to an NMOS
switch of Fig. 10.2(«)} or a CMOS transmission gate.

Some of the important nonideal switch effects in switched-capacitor circuits are
the nonlinear capacitance on each side of the switch, channel charge injection, and
capacitive coupling from the logic signal, ¢, to each side of the switch. Nonlinear
capacitance effects are alleviated through the use of parasitic insensitive structures, as
discussed in Section 10.2, while channel charge injection is reduced by careful switch
timing, as seen in Section 10.5.

Nonoverlapping Clocks

At least one pair of nonoverlapping clocks is essential in switched-capacitor circuits.
These clocks determine when charge transfers occur and they must be nonoverlapping
in order to guarantee charge is not inadvertently lost. As seen in Fig. 10.3(«), the term
nonoverlapping clocks refers to two logic signals running at the same frequency and
arranged in such a way that at no time are both signals high. Note that the time axis in
Fig. 10.3(a) has been normalized with respect to the clock period, T. Such a normal-
ization illustrates the location of the sample numbers of the discrete-time signals that
occur in switched-capacitor filters. As a convention, we denote the sampling numbers
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Deia

1
g

(b)

Fig. 10.3 Nonoverlapping clocks. {g) Clack signals, ¢, ond .. (b} A possible circuit implementa-
tion of nonoverlapping clocks from a single clock.

to be integer values (i.e., {n - 1), (n), (n + 1), etc.) just before the end of clock phase
0. while the end of clock phase ¢, is deemed to be 1/2 sample off the integer val-
ues as shown (i.e., (n-3/2), (n - 1/2), etc.). However, it should be noted that it is
not important that the falling clock edge of ¢, occur precisely cne-half a clock period
earlier than the falling edge of ¢,. In general, the locations of the clock edges of ¢,
and 0, need only be moderately controlled to allow for complete charge settling
{assuming separate low-jitter sample and holds are used at the input and output of the
overall circuit).

One simple method for generating nonoverlapping clocks is shown in Fig. 10.3(b)
[Martin, 1981]. Here, delay blocks are used to emsure that the clocks remain nonover-
lapping. These delays could be implemented as a cascade of an even number of
inverters or perhaps an RC network.

10.2 BASIC OPERATION AND ANALYSIS

Resistor Equivalence of a Switched Capacitor

Consider the switched-capacitor circuit shown in Fig. 10.4{(a), where V, and V, are
two dc voltage sources. To analyze this circuit’s behavior, we analyze the circuit from
a charge perspective. Recall that the charge on a capacitor, Q, , is equal to the capaci-
tance value, C,, times the voltage across it, V. In mathematical terms, we have

Q, = C,V, (10.1)

Now, since ¢, and ¢, are assumed to be a pair of nonoverlapping clocks, C, is
charged to V,; and then V, during each clock period. Therefore, the change in charge
(in coulombs) over one clock period, AQ,, that is transferred from node V, into node
V, is given by

AQ, = C(V,-V,) (10.2)
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0, P R

eq
V1 W V2 V1 °_JWV—"—° V2

AQ = C,(V,-V,) every clock period

(a} J (b)

Fig. 10.4 Resistor equivalence of a switched capacitor. (a) Switched-capacitor circuit
{b} Resistor equivalent.

Since this charge transfer is repeated every clock period, we can find the equivalent
average current due to this charge transfer by dividing by the clock period. In other
words, the average current, I,,, (in amps), is equal to the average number of
coulombs/second and is given by
C(V,-Vy)

Lovg = _.‘_‘T_ (10.3)
where T is the clock period (i.e., the sampling frequency f, = 1/T). Relating (10.3)
to an equivalent resistor circuit shown in Fig. 10.4(b) where

V-V,
Ieq = =

- (10.4)
eq

we sce that the average current through the switched-capacitor circuit of Fig. 10.4(a)
will equal that for the resistor circuit of Fig, 10.4(b) if
T 1

R = — =
I C; Cf,

(10.5)

Note that the above relation makes intuitive sense. For example, as the clock fre-
quency is increased, the same charge is transferred each period but at a faster rate, so
the average current is higher, If C, is increased, a larger amount of charge is trans-
ferred each period, which would also increase the average curmrent. In addition,
increasing the average current is equivalent to decreasing the equivalent resistance
seen between the two voiltage nodes, and therefore the equivalent resistance is
inversely related to the capacitance and clock frequency.

Finally, it should be noted that this resistor approximation is mainly useful for
looking at the low-frequency behavior of a switched-capacitor circuit. For moderate
input frequencies (in relation to the sampling frequency), an accurate discrete-time
analysis is required, as discussed in the next subsection. Discrete-time analysis can be
used in switched-capacitor circuits because the charge transfers are dependent on val-
ues of node voltages at particular instances in time and are ideally independent of
transients during nonsampled times.
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EXAMPLE 10.1

What is the equivalent resistance of a 5 pF capacitance sampled at a clock fre-
quency of 100 kHz?

Solution
Using (10.5), we have

R., = : - 2MQ

(5% 107"

(100 x 10™)

What 1s interesting here is that a very large impedance of 2 MQ can be realized
on an integrated circuit through the use of two transistors, a clock, and a relatively
small capacitance. Such a large impedance typically requires a large amount of
CMOS silicon area if it is realized as a resistor without any special processing fab-
rication steps.

Parasitic-Sensitive Integrator

An example of one of the first switched-capacitor discrete-time integrators [Hosticka,
1977] is shown in Fig. 10.5. Here, an extra switch is shown near the output voltage,
VoD, to indicate to the reader that the output signal is valid at the end of ¢, in keep-
ing with the sampling-time convention shown in Fig. 10.3(a). In other words, another
circuit that uses the output of this discrete-time integrator should sample v (1) on ¢,.
Note however that no assumptions are made about when v (1) changes its value (it
could be either ¢, or 9, ); it is not important because v (t) is sampled at the end of ¢,
by the circuit shown.

To analyze this circuit, we again look at the charge behavior and note that a vir-
tual ground appears at the opamp’s negative input. Assuming an initial integrator out-
put voltage of v (nT —T) implies that the charge on C, is equal to C,v ,(nT -T)
attime (NT —T). Now also at time (nT —T), ¢, s just turning off (and ¢, is off) so
the input signal v (t) is sampled, resulting in the charge on C, being equal to

vea(nT)
I+
b, @ {(
. ch(t) A Cz ¢1
Vcit Vco t) —
® RGN »

v (t)+ C
cl 1
T

Fig. 10.5 A discretetime integrator. This structure is sensitive to
parasitic capacitances (not shown).

vin) = vu(nT) Vo) = v inT)
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C,v(nT - T), as shown in Fig. 10.6(a). When ¢, goes high, its switch forces C, to
discharge since it places a virtual ground on the top plate of C,, as shown in
Fig. 10.6(b). However, this discharging current must pass through C, and hence the
charge on C, is added to the charge already present on C, . Note that a positive input
voltage will resuit in a negative voltage across C, and therefore a negative output
voltage; thus, the integrator is an inverting integrator. At the end of ¢, (once things
have settled out), we can write the charge equation

Coveo(NT=T/2) = Cov o(nNT-T)—C,v,(nNT-T) (10.6)

The negative sign in (10.6) reflects the fact that the integrator is an inverting integrator.

Although (10.6) is correct, we would like to find the charge on C, at the end of
¢, {or equivalently, nT } as indicated by the switch shown near v_.(t) in Fig. 10.5. To
find this charge, we note that once ¢, turns off, the charge on C, will remain the
same during the next ¢, until ¢, turns on again in its next cycle. Therefore, the
charge on C, at time (nT) at the end of the next ¢, is equal to that at time
(nT - T/2), or mathematically,

CoveolnT) = Covo(nT - T/2) (10.7)

and we can combine (10.6) and (10.7) to write
C,vo(nT) = Cov (NT-T)-C,v,(nT-T) (10.8)
Dividing by C, and using the discrete-time variables v(n) = v,(nT) and

V,(N) = v (nT), we have the following discrete-time relationship for the circuit of
Fig. 10.5:

-

C
v, (N) = V(- 1) - —v(n-1) (10.9)
C,
Taking the z-transform of (10.9), we also have
-1 G
V(2) = 2 V,2)- C—z Viz) (10.10)
2
from which we can finally find the transfer function, H(2), to be given by
V,(2) Cy z
Hz) = — = | = 10.11
@ Vi) (Cz 1-21 ( )
Cz CE
(__ ol
"N

v.iinT-T/2)
o

o——I VeonT-T) [ -
C1 -0 l C1 >—‘W
’I‘ ’I‘ In + Veo(nT — T/z)

(a) (b)
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R e Y e R e Y e R e BN

Fig. 10.7 Typical voltage waveforms for the discretetime integrator shown in Fig. 10.5.

Note that this transfer function realizes its gain coefficient as a ratio of two capaci-
tances, and thus the transfer function can be accurately defined in an integrated cir-
cuit, Often, the transfer function would be rewritten to eliminate terms of Z having
negative powers to give

Vv C
Ha) = @ _ _(JJL (10.12)

Vi(z) C,jz-1

Some typical voltage waveforms for this discrete-time integrator are shown in
Fig. 10.7. Note here that the discrete-time equation derived only represents the rela-
tionship of the voltage signals v (1) and v () at the time (nT), which occurs just
before the end of ¢,. It does not say anything about what the voltages are at other
times. In actual fact, the voltages are constant at other times (ignoring second-order
effects), which is equivalent to taking the sampled voltages and then using them as
inputs to a sample and hold for this particular SC integrator.

EXAMPLE 10.2

Show that for frequencies much less than the sampling frequency, equation
(10.11) approximates the transfer function of an ideal continuous-time inte-
grator.
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Solution -
Equation (10.11) can be rewritten as
C1 z-172
H(z) = - 6: YR (10.13)

To find the frequency response, we make use of the féc_t that
z = elvT = cos(®T) + jsin(wT) (10.14)

where T, the period, is one over the sampling frequency. Therefore,

zU/2 = COS[O‘)—T}"']- Sln{m—T) (10.15)
2 2

7102 _ cos[m—T}—j Sir{m—TJ (10.16)
2 2

Substituting (10.15) and (10.16) into (10.13) gives

C, z-1i2 C\z-112
H = | =—|— = -\ — .
(z) {CJ (ijuﬂ' (10.17)

and

for T << 1. The z-/Z in the numerator represents a simple delay and can be
ignored. Thus, we see that the transfer function is approximately that of a
continuous-time integrator having a gain constant of

K, = _(Ccir} (10.18)

which is a function of the integrator capacitor ratio and clock frequency only.

Thus far we have ignored the etfect of the parasitic capacitances due to the cre-
ation of C, and C, as well as the nonlinear capacitances associated with the switches.
The addition of such parasitic capacitances results in the circuit shown in Fig. 10.8.
Here, C,; represents the parasitic capacitance of the top plate of C, as well as the
nonlinear capacitances associated with the two switches; G, represents the parasitic
capacitance of the bottom plate of C,; while C; represents the parasitic capacitance
associated with the top plate of C,, the input capacitance of the opamp, and that of the
0, switch. Finally, C_, accounts for the bottom plate parasitic capacitance of C, as
well as any extra capacitance that the opamp output must drive.
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e [ F
L3 ¢z

o,
v(n) i

| v T

Fig. 10.8 A discretetime integrator with parasitic
capacitances shown.

In accounting for these parasitic capacitances, we can immediately discard the
effect of C; since it always remains connected to ground. Similarly, the effect of Cp;
on the transfer function is small since it is always connected to the virtual ground of
the opamp. Also, C, is connected to the opamp output; therefore, although it may
affect the speed of the opamp, it would not affect the final settling point of the opamp
output. Finally, we note that G| is in parallel with G, and therefore the transfer func-
tion of this discrete-time integrator including the effects of parasitic capacitance is
given by

(10.19)

Hz) = _(C_"’Cm] !

c, zZ-1

From (10.19), we see that the gain coefficient is related to the parasitic coefficient
C,, which is not well controlled and would be partially nonlinear due to the input
capacitances of the switches and top-plate parasitic capacitance. To overcome this
deficiency, ingenious circuits known as parasitic-insensitive structures were devel-
oped [Martin, 1978; Allstot, 1978; Jacobs, 1978].

Parasitic-Insensitive Integrators

The parasitic-insensitive integrator was a critical development that allowed the real-
ization of high-accuracy integrated circuits. In the first integrated integrator-based fil-
ters, the noninverting integrators (Fig. 10.9) were parasitic insensitive, whereas the
inverting integrators (Fig. 10.8) were parasitic sensitive [Allstot, 1978]. The develop-
ment of the parasitic-insensitive inverting integrator [Martin, 1978; Jacobs, 1978]
allowed the complete filter to be insensitive, which greatly decreased second-order
errors. To realize a parasitic-insensitive discrete-time integrator, two extra switches
are used, as shown in Fig. 10.9. Analyzing this circuit as before, note that when ¢, is
on, G, is charged to C,v(nT - T), as shown in Fig. 10.10(a). When ¢, turns on, C,
is effectively “hooked” up backwards, and the discharge now occurs through what
was the ground node rather than the input signal side, as shown in Fig, {0.10(5}. Such
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v(n = v,(nT) V(M) = v (nT)

Fig. 10.9 A noninverting delaying discrete-ime integrator{not sensitive
to parasitic capacitances).

a reverse connection results in v (1) rising for a positive v;(nNT —T), and therefore
the integrator is noninverting. With the rest of the analysis being performed as before,
the transfer function, H(Z), for this discrete-time integrator is given as

\Y) _
H(z) = Yol2) (Ej z (10.20)

Note that (10.20) represents a positive discrete-time integrator with a full delay from
input to output (due to the Z-" in the numerator, which represents a one-period delay)
so we refer (o the circuit of Fig. 10.9 as a delaying discrete-time integrator. As was
done for the stray sensitive inverting integrator of Fig. 10.8, one often rewrites the
transfer function to eliminate negative powers of Z o give

3

vV C
Hz) = 2 _ (—‘] : (10.21)

C,lz-1

To investigate the behavior of this noninverting integrator with respect to para-
sitic capacitances, consider the same circuit drawn with parasitic capacitances, as
shown in Fig. 10.11. Here, C_; and C, do not affect the operation of the circuit as -
before. In addition, G, is either connected to ground through the ¢, switch or to vir-
tual ground through the ¢, switch. Therefore, since C,, always remains discharged
(after settling), it also does not affect the operation of the circuit. Finally, Cpi 18 con-
tinuously being charged to vi(n) and discharged to ground. However during ¢, on, the
fact that C,, is also charged to v{(n 1) does not affect the charge that is placed on

CE C

2
v”(nT_To—ﬁ) ~ v nT-T) Va(NT-T/2) ]
- G, H’ ’ . _IT
! .

[,
Veo(NT=T/2)

(a) (b

Fig. 10.10 The noninverting discretetime integrator on the two clock phases: {a) 04, (b) 0, .
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Fig. 10.11 A parasiticinsensitive integrator with parasitic
capacitances shown.

C,. When ¢, is turned on, C,, is discharged through the ¢, switch attached to its
node and none of its discharging current passes through C, to affect the charge accu-
mulating on C, . Therefore, it also does not affect the circuit operation. In summary,
while the parasitic capacitances may slow down settling time behavior, they do not
affect the discrete-time difference equation that occurs in the integrator shown in
Fig. 10.9.

To obtain an inverting discrete-time integrator that is also parasitic insensitive,
the same circuit as the parasitic-insensitive noninverting integrator can be used, but
with the two switch phases on the switches near the input side of C, (that is, the top-
plate of C)) interchanged as shown in Fig. 10.12 [Martin, 1978]. With this arrange-
ment, note that the charge on C, does not change when ¢, turns on (and ¢, is off).
Therefore, we can write

CoveonT-T/2) = Cyv(nT-T) (10.22)

Also note that C, is fully discharged at the end of ¢, on. Now when ¢, is turned on,
C, is charged up to v (t). However, the current needed to charge C, passes through
C,, in effect changing the charge on C, by that amount. At the end of ¢, on, the
charge left on C, is equal to its old charge (before ¢, was on) subtracted from the
charge needed to charge up C, to v (nT). Thus, we have the following charge rela-

tionship:
Covo(nT) = CoveonT - T/2)-C,v(nT) (10.23)
C,

¢ 0 i

X C, 3 4
vi(n) L
Vi@ d.4 Fo, Vol

Vo(2)

Fig. 10.12 A delay-free discretetime integrator (not sensitive
to parasitic capacitances).
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' J Note that v (nT) occurs in the above equation rather than v (nT - T), since the

charge on C, at the end of ¢, is related to the value of v (nT} at the same time, and
therefore the integrator is considered to be delay free. Substituting in (10.22), dividing
‘ by C,, and switching to discrete-time variables, we have

C
V(M) = Vy(n—1) - —v(n) (10.24)
C,

Taking the Z -transform of both sides, the transfer function, H(2), for this delay-free
integrator is found to be

Ho = 2@ | _[ﬁj L (10.25)

Cz 1-2z71

where the fact that the numerator has a purely real term is indicative of the integrator
being delay free. As before, (10.25) is often rewritten as

Vo(z) C] Z
= = = |— 10.
H@) Vi) [CJ z—1 (10:26)

Finally, note that the above delay-free integrator has a negative gain, while the delay-
ing integrator has a positive gain. While these sign changes in the gain can be quite
useful in single-ended switched-capacitor designs, many modern integrated circuits
make use of fully differential signals for improved noise performance, and sign
changes can be achieved by simply cross-coupling output wires.

Signal-Flow-Graph Analysis

Clearly, applying the charge equations just described would be quite tedious for larger
circuits. So instead, a few rules can be developed to create and analyze such circuits.
Consider the three-input integrator shown in Fig. 10.13. Using the principle of super-
position, it is clear that the input-output relationships for V,(Z) and V(2) are given by

V(2 C -1
o2 _ (22 ( Z ) (10.27)
Vi(2) CajMl-z
V(2 C
°()=——3( : ) (10.28)
Vi(2) (OFRAN ) o
For the input V,(2), we note that its relationship to V (2) is simply an inverting
gain stage given by
Vo(z c ‘
2 _ (= (10.29)
V(@) Ca

with the output once again being sampled at the end of ¢, as shown.
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Vi(2) ):

04 L
e
Valz)

Ca
[ il
"\
: . L
o0 T T g, | Vo2 T
1 03 L
Vyiz) T YT L s

-C,(1-z")
V,iz)
Caz ' 1y 1
Vy(z) (C_A )1 > V@
—C,4
V4(2)

Fig. 10.13 Three-input switched capacitor summing/infegrator
stage. [a} Circuit. (b) Equivalent signal flow graph.

Combining (10.27), (10.28), and (10.29), the input-output relationship for the cir-
cuit of Fig. 10.13(a) is equal to

_ C, Cy)r z C, 1
V(@ = - {C—J V@) + {E;J(l Vi@ - (E:‘,J (v 030

Such a relationship can also be represented by the signal flow graph shown in
Fig. 10.13(b), where the input stages have been separated from the opamp stage. Thus,
we see that to obtain an equivalent signal flow graph, the block (1/C,)[1/(1-2z1)]
is used to represent the opamp stage, while three different gain factors are used to rep-
resent the possible input stages. For a nonswitched capacitor input stage, a gain factor
of —C (1 -2z")is used. If a delaying switched capacitor is used, it is represented by
C,z-!. Finally, for a delay-free switched-capacitor input, a gain factor of —C; is used.
Note, however, that the output, V(2), should be sampled on ¢, when the switched-
capacitor inputs sample their input signals on ¢,.

As before, this transfer function might often be rewritten in powers of Z rather
than z-', resulting in

C, C, ] C; z
VO(Z) = - [aJVI(Z) + ['@] (E_—IJVZ(Z) - (EJ (:JV;(Z) (1031)
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10.3 FIRST-ORDER FILTERS

We saw on page 398 that at low frequencies, a switched capacitor is equivalent to a
resistor. Such an equivalence is often used to derive good switched-capacitor filter
structures from their active-RC counterparts. However, although such structures
would behave very similarly for low-frequency input signals (when compared to the
clock frequencyy}, for signal frequencies moderately close to the clock frequency, the
behavior of the switched-capacitor circuit is precisely determined through the use of
the Z-domain signal-flow-graph approach just discussed.

A general first-order active-RC filter is shown in Fig. 10.14. To obtain a
switched-capacitor filter having the same low-frequency behavior, the resistors are
replaced with delay-free switched capacitors (delay-free inputs are used since they
create negative integration, as do resistive inputs), while the nonswitched capacitor
feed in is left unchanged. The resulting first-order switched-capacitor filter and its
equivalent signal flow graph are shown in Fig. 10.15. An equation that describes this
signal flow graph is

Call—z-HV (@) = —C,V(2)- C,V(2) - C,(1 - 2 )V(2) (10.32)

from which the transfer function for this first-order filter is found to be

S
3 Vo (Z) B Ca Ca

H(z)
Vi@ N
A
10.33
C,+C, C, ( )
2+ —
CA CA

1 CSz 1
+_ —
Ca

The pole of (10.33) is found by equating the denominator {0 zero, which results in
a pole location, Z,,, given by

P CA
P Ca+C,

(10.34)

E:C] i
Vin(s) - Vout(s)

L Fig. 10.14 A firstorder active-RC filter.
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¢ ¢
AR 2 e ¥
_TT ): TL :( TL
¢24% Pl—‘bz ‘1’24'{ -‘EII-%
= = = EA
:(
C, ' 04

V. AT o L
i(2) PAl I—II> ° Vo(z) —Jr_
+

(a)

Vi(z) » Vol2)

Fig. 10.15 A firstorder switched-capacitor filter: {a} circuit (no switch sharing),
{b} equivalent signal How graph.

-

Note that for positive capacitance values, this pole is restricted to the real axis
between zero and one, and therefore the circuit is always stable. In fact, with C; = 0
the circuit’s pole is at Z = 1 or, in other words, it becomes a discrete-time integrator,
as expected. The zero of (10.33) is found by equating the numerator to zero, which
results in a zero location, Z,, given by

Z, = Cl
*C,+C,

(10.35)

Therefore, for positive capacitance values, this zero location is also restricted to the
real axis between zero and one. Additionally, the dc gain for this circuit is found by
setting Z = 1, which results in the dc gain being given by
H(1) = (10.36)
"¢ i
Finaily, it should be noted that in a fully differential implementation, effective
negative capacitances for C,, C,, and C, can be achieved by simply interchanging
the input wires. In this way, a zero at z = -1 could be realized by setting

C, = -05C, (10.37)
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In other words, the pair of capacitors representing C, would be haif the size of those
representing C, and the input wires interchanged into the C, pair such that -V (2) is
applied to that input branch.

EXAMPLE 10.3

Find the capacitance values needed for a first-order switched-capacitor circuit
such that its 3-dB point is at 10 kHz when a clock frequency of 100 kHz is used.
It is also desired that the filter have zero gain at 50 kHz and the dc gain be unity.
Assume C, = 10 pF.

Solution

First note that having a zero gain at 50 kHz is equivalent to placing a zero at —1.
Now, making use of the bilinear transform p = (z-1)/(Z + 1) as described in
Section 9.5, the zero at —1 is mapped to £ = eo. In addition, the frequency
warping between the two domains, £ = tan(®/2), maps the —3-dB frequency
of 10 kHz (or 2% rad/sample) in the Z -domain to

Q = tan((]'%) = (.3044

in the continuous-time domain. Therefore, our specification is now simplified to
find the pole location for a continuocus-time filter having a —3-dB frequency
equal to 0.3044 rad/s and a zero at . Clearly, the continuous-time pole, p,,
required here is

pp = -0.3044
This pole is mapped back to a Z -domain pole, z,,, of value

1 +
= Pe _ 0.53327

z
p
Pp

Therefore, the desired discrete-time transfer function, H(z), is given by
kiz+1)

z-0.53327

where k is determined by setting the dc gain to one (i.e., H(1) = 1) resulting in

_0.23337(z+ 1)

H(z) =

H(z)
Z-0.53327
or equivalently,
Hz) = 0.43762z + 0.43762
1.87522z -1

Equating these coefficients with those of {10.33) (and assuming C, = 10 pF)
results in
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C, = 4.376 pF
C, = -8.752 pF
C3 = 8.752 PF

where a differential input can realize the negative capacitance.

For designs where the zero and pole frequencies are substantially less than the
clock frequency (unlike the previous example, which had a zero at one-half the clock
frequency), it is not necessary to pre-warp the specifications using the bilinear trans-
form. Rather, some approximations can be used to derive equations for the capacitor
ratios given the desired zero and pole, which are both assumed to be real and positive.
As in Example 10.2, using (10.33), we have

[& (211'2 _ z—l."Z) + (&]2”2
V(2) Ca Ca

H(z) = - (10.38)
Vi) Zuz_zfuz_,_gzm
A
Substituting (10.15) and (10.16) into (10.38) gives
jz——-—-Cl +C sin il + C, cos ol
, v (e C (7) Ch [7)
He®) = ol ‘ ) A = A (10.39)

ve“h (. CY. reTy Ci roT
|2+ = s1n(— + — cos(—)
Ca 2 Ca 2

This transfer function is exact. Making the approximation ®T << allows (10.39) to
be simplified as

_(Cl +Cz/2}u C,
T+
He") = Vo) _ s o

- joT, C C
Vite™) j[l + —3)ch +—

The procedure just used is quite useful when finding a continuous-time transfer func-
tion that approximates a discrete-time transfer function. Setting the numerator of
(10.40) to zero gives the following approximate equation for the zero frequency:

C,

I+ —

2C,

Similarly, setting the denominator to zero gives the following approximate equation
for the pole frequency:

(10.40)

jo,T = (10.41)
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(10.42)

EXAMPLE 10.4

Find the capacitance values C, needed for a first-order low-pass switched-
capacitor filter that has C, = 0 and a pole at the 1/64th sampling frequency
using the approximate equations. The low-frequency gain should be unity.

Solution
Using (10.42) and solving for C,/C,, we have
C; o T  2n/e4
Ca 1-0,T/2 1-2n/128
If we choose C, = 10 pF, then we have C,; = 1.032 pF. From (10.40) with

C, = 0. we see that the low-frequency gain is given by C,/C, . For unity gain,
this means we need C; = 1.032 pF as well.

= 0.1032 (10.43)

Switch Sharing -

Careful examination of the switched-capacitor filter shown in Fig. 10.15(a) reveals
that some of the switches are redundant. Specifically, the top plate of both C, and C;
are always switched to the opamp’s virtual ground and true ground at the same time.
Therefore, one pair of these switches can be eliminated and the two top plates of C,
and C, can be connected together, as shown in Fig. 10.16.

Ca b
——TC
Fbs
\l1 ICA
7 —
‘3: C, 0y

4 o,
V(z) o —— L o v
! s V
%ﬁ e l_D‘ o TT

Fig. 10.16 A firstorder switched-capacitor filter with switch sharing.
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Fully Differential Filters

While the circuits seen so far have all been shown with single-ended signals, in most
analog applications it is desirable to keep the signals fully differential. Fully differen-
tial signals imply that the difference between two lines represents the signal compo-
nent, and thus any noise which appears as a common-mode signal on those two lines
does not affect the signal. Fully differential circuits should also be balanced, implying
that the differential signals operate symmetrically around a dc common-mede voltage
(typically, analog ground or halfway between the power-supply voltages). Having
balanced circuits implies that it is more likely noise will occur as a common-mode
signal due to the symmetry of the circuit. Fully differential circuits have the additional
benefit that if each single-ended signal is distorted symmetrically around the
common-mode voltage, the differential signal will have only odd-order distortion
terms (which are often much smaller). To see this distortion improvement, consider
the block diagram shown in Fig. 10.17, where the two nonlinear elements are identical
and, for simplicity, the common-mode voltage is assumed to be zero. If the nonlinear-
ity is memoryless, then the outputs can be found as a Taylor series expansion given by

Vg = k,vi+k2vf+k3v?+k4vf+ (10.44)

where k; are constant terms. In this case, the differential output signal, Vg4, consists
of only the linear term, 2K,v,, and odd-order distortion terms (which are typicaily
smaller than the second-order term). With these two important advantages, most mod-
ern switched-capacitor circuits are realized using fully differential structures.

A fully differential realization of the first-ordér filter is shown in Fig. 10.18. Note
here that the fully differential version is essentially two copies of the single-ended
version, which might lead one to believe that it would consume twice the amount of
integrated area. Fortunately, the increased area penalty is not that high. First, we see
that only one opamp is needed although it does require extra common-mode feedback
circuitry. Secondly, note that the input and output signal swings have now been dou-
bled in size. For example, if single-ended signals are restricted to +1 V, then the max-
imum peak-to-peak signal swing of single-ended signals is 2 V, while for differential
signals it is 4 V, Thus, to maintain the same dynamic range due to (kT)/C noise, the

2 3 4
Vpy = kv # RV Ry 4 kv +

v, o—p| Nonlinear

element -
+
= 2K 2K,V + 2KV + -
A Viitf = 1Vy+ 2KaVy + Z2KgVy +
Vi o} Nonlinear
element 2 3 4
= — kv, + KoV — Kavy + kv + o
Vg 1V + KaVy — KV + KV,

Fig. 10.17 Demonstrating that even-order distortion terms cancel in fully differential circuits if
the distortion is symmetrical around the common-mode voltage. Here, the common-mode voltage
is assumed fo be zero.
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)I C3{ I:lf o
= = :\ 1
0 4 kb2 L CA{&Z
+T "L it
& C 3 — +
V@ o, _ V(@
- L+ G n
g e L
‘Dz-{l{ -IE'I—‘Dz Cie,
J.
—)I C3 |' ¢1
Cy s

Fig. 10.18 A fully differential first-order switched-capacitor filter.

capacitors in the fully differential version can be half the size of those in the single-
ended case.* Since smaller capacitors can be used, the switch size widths may also be
reduced to meet the same settling-time requirement. However, the fully differential
circuit has more switches and wiring so this circuit will be somewhat larger than its
single-ended counterpart. However, recall that the fully differential circuit has the
advantages of rejecting much more common-mgpde noise signals as well as having
better distortion performance.

10.4 BIQUAD FILTERS

Similar to the first-order case, good switched-capacitor biquad filter structures can be
obtained by emulating well-known continuous-time filter structures. However, also as
in the first-order case, once a filter structure is obtained, its precise frequency response
is determined through the use of discrete-time analysis using the signal-flow-graph
technique discussed in Section 10.2. This exact transfer function, or a close approx-
imation to it, is then used when determining capacitor ratios during the design phase.

Low-Q Biquad Filter

A direct-form continuous-time biquad structure can be obtained by rewriting the gen-
eral biquad transfer function, H,(s), as follows:

4. When the signal voltage doubles, the signal power goes up by a factor of four. Fully differential circuits
would have twice the noise power of single-ended circuits having the same size capacitors due to there
being two capacitive networks generating noise. Halving the capacitor size of the differential circuit would
result in another doubling in noise power, resulting in a signal-to-noise ratio equal to that of a single-ended
circuit having capacitors twice as large.
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Vou(s k,s®+ ks +k
H,(s) = oul®) Kk 0 (10.45)

RPN () N
Q 0

Here, ), and Q are the pole frequency and pole Q, respectively, whereas K, K,
and K, are arbitrary coefficients that place this biquad’s zeros (i. €. the numerator’s
roots). Muitiplying through by the denominators and dividing by '3 , (10.45) can be
written as

K, k W
Vouls) = —kg—g Vin(s)fQS out(S) — < Vin(s) - = —V_(S) (10.46)

Finally, (10.46) can be expressed as two integrator-based equations. Specifically,

1fk
V. (8) = —[—OVin(S)+m0Vout(S) (10.47)
s| wy
and
V, i(8) = —1[(k + k,8)V, (S)+—%V (s)— m,V (S)ﬂI (10.48)
out s s 1 2 in O out 0¥cl J "

A signal flow graph describing the preceding two equations is shown in Fig. 10.19.

Now, allowing negative resistors to be used, an active-RC realization of this gen-
eral biquad signal flow graph is shown in Fig. 10020 [Brackett, 1978]. Note that for
convenience the integrating capacitors, G, and Cg ., have been set to unity.

A switched-capacitor biquad based on this active-RC circuit can be realized as
shown in Fig. 10.21 [Martin, 1979]. Here, all positive resistors were replaced with
delay-free feed-in switched-capacitor stages while the negative resistor was replaced
with a delaying feed-in stage. Note that this switched-capacitor biquad circuit has
redundant switches, as switch sharing has not yet been applied.

The input capacitor K, G, is the major signal path when realizing low-pass filters;
the input capacitor K,C- is the major signal path when realizing bandpass filters;
whereas, the input capacitor K,C, is the major signal path when realizing high-pass
filters.

Vin(s) -1/s - Vou((s)

Fig. 10.19 A signalflowgraph representation of a general contiriucustime

biquad filter.
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1/ g
AA
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AAA
C, =1 ¥yvy¥
A Verls) Cg =1
wo/ Ko ” 1/ I
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in(S) A I\ "
-rl/ b —-—-ovout(s)
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Fig. 10.20 An acliveRC realization of a general continuoustime biguad

filter.
o K,C,
¢2-Ig El-sz _?1 K602 ?_1
. C1 024 0o
o I Vi(2) =C,*
: 0, K.C 1 h i}
Vizy & M9 4 % Kk, % 0y
fr— L L ~ Vo(z) L
¢z4g El-‘bz lﬁ_ 0, 4 Y Ti> i il
¢1 -chz ¢)1 ) =
G2 9,
Kfcz

Fig. 10.21 A low-Q switched<apacitor biquad filter {without switch sharing].

Before proceeding, it is worth mentioning that while this switched-capacitor fil-
ter is a natural result when using single-ended circuits, the use of fully differential
circuits could result in quite a few other circuits, some of which could have poor
performance properties. For example, all the positive resistors could be replaced
with delay-free feed-in stages as before, but in addition, the negative resistor could
also be replaced with a delay-free feed-in stage where the differential input wires
are interchanged. Such a circuit would have a delay-free loop around the two inte-
grators and may have an excessive settling time behavior. As another example, all
resistors might be replaced with delaying feed-in stages where positive resistors arc
realized by interchanging the input wires of those stages. In this case, settling time
behavior would not suffer as there would be two delays around the two-integrator
loop, but coefficient sensitivity would be worse for filters having high-Q poles. In
summary, what is important is that the two-integrator loop have a single delay
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around the loop. Such an arrangement is referred to as using lossless discrete inte-
grators (LDI) [Bruton, 1975].

Using the approach presented in Section 10.2, the signal flow graph for the
biquad circuit shown in Fig. 10.21 can be found and is shown in Fig. 10.22. The trans-
fer function, H(2), for this signal flow graph is found to be given by

Vo@) (K + Kz + (K K - K - 2Kz + K,
Vi(2) (I+K6)zz+(K4K5—K6-2)z+l

While the preceding relation is useful for analyzing the switched-capacitor circuit
shown, this relation can also be used during design of a desired transfer function.
Assuming the desired discrete-time biquad transfer function has been found using a
digital-filter design program, and is given by

H(z) =

(10.49)

a,z’ +a,z +a,
H(z) = - (10.50)
b.z7+b,z+1
we can equate the individual coefficients of z in (10.49) and (10.50), resulting in the
following design equations:

K; = a, (10.51)
K, =a,-a, (10.52)
KKs = as+a,+a, (10.53)
K, = b,—1 - ' (10.54)
KK, = b, +b,+1 (10.55)

Note that there is some flexibility in choosing the values of K,, K, and K. This
single degree of freedom occurs because specifying the overall transfer function,
H(z), places no constraint on the size of the signal at the internal node, V,(z). Thus,
one way to choose appropriate capacitor values is to initially let K; = 1 and deter-
mine other initial component values, find the signal levels that occur at nodes V,(2)

Vi{(z) oy o Vo(Z)

Fig. 10.22 A signal flow graph describing the switched-capacitor circuit in
Fig. 10.21.

432 of 720




10.4 Biguad Filters 419

and V(z}, then using that signal level information, perform dynamic range scaling to
find the final component values. Alternatively, the time constants of the two discrete-
time integrators can be set equal by choosing

Ky=Ks = /b, +b,+1 (10.56)

Such a choice usually results in a near optimal dynamically range-scaled circuit,
If it is desired to design the SC biquad so that its transfer function matches that of
a continuous-time transfer function as closely as possible, then the approach used in
Example 10.2 can be taken. Specifically, (10.49) can be rewritten as
VO(Z) K1K5 + KZ(ZIIZ _ 2*1/2)21/2 + KS(ZUZ — 2—11'2)2

Hz) = = - (10.57)
Viz) KK+ K (2172 — 21722112 4 (z172 _ z- 1122

Rewriting (10.15) and (10.16) here for convenience, we have

7172 = Cos(m_T)_,.jsin(m_,T) (10.58)
2 2
and
z-172 — cos(g)—jsin(g) (10.59)
2 2

Substituting these equations into (10.57) and rearranging gives

joT KiKs + K, Sin(mT)+(4K3+2K2)Sin2(m_T
joT Vo(e ) 2
H(e ) = ot = — = - (DT (10.60)
Viee™ ) KK +jKg sin{@T) + (4 + 2K6)Sin2(7)

For @7 << 1, we further have

Vo€ KK+ iK(oT) + (Ks + Ky /2)(wT)?
Vi(ei“’T) T KK + K (oT) + (1 + K/ 2)(0T)?2

H(ele) = (10.61)
The coefficients of (10.61) can be matched to the desired coefficients of the continuous-
time transfer function. A closer matching between transfer functions can be obtained if
one chooses capacitor ratios to match the real and imaginary parts of both the numer-
ators and denominators of (10.60) and the desired continuous-time transfer function at
the resonant frequency, as is outlined in [Martin, 1980].

Finally, an estimate of the largest to smallest capacitance ratio can be made by
using the resistor approximation (10.5) for this switched-capacitor circuit. Comparing
Fig. 10.20 and Fig. 10.21 and using (10.5), we see the following approximations are
valid for the feedback capacitor ratios, K,, K, and K, (the capacitor ratios that deter-
mine the pole locations).

K, = K; = o,T (10.62)

in

w®,T
K, = — 10.63
6 a ( )

433 of 720




420  Chapter 10 * Switched-Capacitor Circuits

However, the sampling rate, 1/T, is typically much larger that the approximated pole
frequency, ,, resulting in

w,T<<l (10.64)

Thus, the largest capacitors (that determine the pole locations) in the switched-
capacitor biquad circuit of Fig. 10.21 are the integrating capacitors, C, and C,.
Additionally, if Q < 1, then the smallest capacitors are K,C, and KC,, resulting in
an approximate capacitance spread of 1/(w,T). However, if Q> 1, then from
(10.63) the smailest capacitor would be K,C,, resulting in an approximate capaci-
tance spread of Q/(w,T).

High-Q Biquad Filter

The resultant high-capacitance spread in the preceding low-Q circuit, when Q>>1,
was a direct result of having a large damping resistance value of Q/w, in Fig. 10.20.
One way te obtain a high-Q switched-capacitor circuit that does not have such a high
capacitance spread is to eliminate this damping resistance in the continuous-time filter
counterpart. Such an elimination can be accomplished by rewriting (10.46}) as

1
Vouls) = —glkstm(s)—onc](s)] (10.65)
and
\' (s)——1 ﬁ+lif V. (8)+ w,V (S)+EV (8) (10.66)
cl - s U)o UJ() in 0 Yout O out -

The signal-flow-graph representation of these two equations is shown in Fig. 10.23.
Note that here the damping path, s/Q coefficient, passes through the first integrator
stage and can be realized through the use of a capacitor, as shown in Fig. 10.24.

Once again, replacing resistors with appropriate switched-capacitor feed-in stages,
the final high-Q switched-capacitor biquad circuitis shownin Fig. 10.25 [Martin, 1980].

Vin(8) oy L1/s Vout(s)
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1/ wy
ArA
vy
1/Q
i
C1 ]|= ! 02 =1
W/ kg 0 _ i
Vin(8) AAA R 1/
vy AR Vs (s)
k1/0.)0 + wi . Y out
= ', [
i
Fig. 10.24 An alternate realization of a general active-RC biquad filter.
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Fig. 10.25 A high-Q switched-capacitor biquad filter (without switch sharing].

The input capacitor K, C, is the major signal path when realizing low-pass filters,
the input capacitor K,C, is the major signal path when realizing bandpass filters, and
the input capacitor K,C, is the major signal path when realizing high-pass filters.
Other possibilities for realizing different types of functions exist. For example, a non-
delayed switched capacitor going from the input to the second integrator could also be
used to realize an inverting bandpass function. If the phases on the input switches of
such a switched capacitor were interchanged, then a noninverting bandpass function
would result, but with an additional period delay.

Using the signal-flow-graph approach described in Section 10.2, the transfer
function for this circuit is found to be given by

V2 Kz + (K K+ KK - 2Kz + (K; - K, Ko)
Vi) 5+ (K Ky + KK - 2)z + (1 - KsK)

H(z) = (10.67)
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Matching the coefficients of (10.67) to the coefficients of a discrete-time transfer
function given by5
a,z’ +a,z+a,
H(z) = - — (10.68)
Z°+bz+Db,

the following equations resuit:

K,\Ks = a5,+a,+a, (10.69)
K,K; = a,-a, (10.70)

K, = a, (10.71)
K,Ks = 1+by+b, (10.72)
KK, = 1-b, (10.73)

As for the low-Q biquad, we see that there is some freedom in determining the
coefficients as there is one less equation than the number of coefficients. A reasonable
first choice might be to take

K4 = K5 = ,Jl +b0+bl (10.74)

after which all other ratios follow. This will give a good dynamic range but not neces-
sarily optimum. After the biquad has been designed, it can be analyzed and the ratios
adjusted to equalize the maximum signal strength at the two opamp outputs.

-

EXAMPLE 10.5

The following transfer function describes a bandpass filter having a peak gain of
5near f;/10 and a Q of about 10.
Hz) = - 0.288(z-1) (10.75)
Z°—1.5722 +0.9429

Find the largest to smallest capacitor ratio if this transfer function is realized
using the high-Q biquad circuit. Compare the results to those which would be
obtained if the low-Q circuit were used instead. Let C;, = C, = linboth cases.

Solution
For the high-Q biguad circuit, making use of (10.69) to (10.72) and assuming
K, = K results in the following capacitor values.

K, = 0
0.4729

A
%)
n

5. Note that (10.68) is written in slightly different form than (10.50) to simplify the resulting equations.
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K, = 0.0938

Recalling that C; = C, = 1, in this high-Q circuit the smallest capacitor is
K¢C, , which makes the capacitance spread about 11 to 1.
For the low-Q biquad circuit design, we first rewrite (10.75) as

0.3054(z-1) z
1.06062° - 1.667z + |

Hz) = -

(10.76)

which makes applying equations (10.51) to (10.56) easier. In addition, an extra
zero at Z = 0 was added to avoid negative capacitances. This extra zero does
not change the magnitude response.

We obtain the following ratios assuming K, = K,:

K, = K, = 0.6274 (10.77)
K, =0 (10.78)
K, = 0.3054 (10.79)
K, = 0 (10.80)
Kg = 0.0606 (10.81)

Thus the capacitance ratio for this circuit is determined by K, which primarily
sets the accuracy of the pole-Q factor, resulting in a spread of near 17. It should
be noted here that worse capacitance spreads will occur for this low-Q circuit if
the pole Q is higher and/or the sampling frequency is increased relative to the
passhand edge.

There are many other biquadratic stages than the two presented here. For exam-
ple, a general stage capable of realizing any z-transform is described in [Laker,
1994]. However, the authors have found that for the great majority of filtering appli-
cations, the choice of the circuits of either Fig. 10.21 or Fig. 10.25 (with switch shar-
ing) is nearly optimum. The exception to this is for phase equalizers, where often
feed-ins approximating negative resistors are needed. To realize higher-order
switched-capacitor filters, one can cascade a number of biquad and/or first-order
stages. Alternatively, one can use lower-sensitivity techniques such as signal-flow-
graph simulations of the relationships between the state variables of passive doubly
terminated L.C ladder filters. The interested reader is referred to [Gregorian, 1986] for
detailed descriptions on the design of high-order SC filters.

10.5 CHARGE INJECTION

As seen in Chapter 7, comparators that make use of switches suffer from charge-
injection errors. Fortunately, by turning off certain switches first, the charge-injection
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errors of the overall circuit are due to only those early switches. This same result
applies to switched-capacitor circuits, and thus charge-injection effects can be mini-
mized by having some clock signals slightly advanced with respect to the remaining
signals. Which clock signals should be advanced is most easily explained with the fol-
lowing example. _

Consider the first-order switched-capacitor filter shown in Fig. 10.26, where
switch sharing is used. Here. ¢,, and ¢,, are slightly advanced with respect to the
remaining clock signals for the following reasons. First, since ¢,, is always con-
nected to ground while ¢,, is always connected to virtual ground, when these
switches are turmed on they need only pass a signal near the ground node (not rail-to-
rail signals as might occur at opamp outputs). Thus, these two switches can be real-
ized using single n -channel transistors rather than full CMOS transmission gates.® A
second, more important reason for using this clock arrangement is that the charge
injections due to Q,, Q, are not signal dependent, while those of Q,, Q; are signal
dependent. Specifically, we saw in Chapter 7 that the channel charge of an NMOS
transistor in triode is given by

QCH = _WLCOXVEH = _WLCOX(VGS#VI) (10'82)

Here, we see that the charge is related to the gate-source voltage as well as to the
threshold voltage. When Q; and Q, are on, Vgg = Vpp, and since their source
remains at zero velts, their threshold voltages also remain constant. As a result, the
amount of charge injected by Qs, Q, is the same from one clock cycle 1o the next
and can be considered as a de offset. Unfortunately, the same cannot be said of Q,
and Q. For example, when Q, is on, its channel charge is found from (10.82) to

be
Qchi = -W L,Cox(Vpp - Vi=-Vin) (10.83)
04
C
VL
05}'}-4’2
G, 5
) 2
¢‘ C2 ¢1a 4‘(
L L ¢1
Vi2) ol It >
’ o T T _|_—i> . Vo2 Fr

¢2‘| Qg 03 F¢2a =

Fig. 10.26 A firstorder switched-capacitor circuit with a clock arrangement to
reduce charge-injection effects. ¢, and 0,4 turn off Qs and Q. slightly early.

6. Typically, switches Q,, Q, would be realized as CMOS wransmission gates since they may need to pass
large-swing signals.
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Thus, one portion of the channel charge is linearly related to V,. However, its
source voltage settles to V,; and thus the transistor’s threshold voltage changes in a
nonlinear relationship {(due to the bulk effect, assuming its substrate is set to a fixed
voltage). As a result, Qgy,, has a linear and nonlinear relationship to V; and thus
would cause a gain error and distortion if Q, were turned off early. Finally, while
Q, and Q; would also inject constant charge from one cycle to the next, it is best
not to add any unnecessary charge into the circuit so these switches are also not
advanced.

In summary, to reduce the effects of charge injection in switched-capacitor cir-
cuits, realize all switches connected to ground or virtual ground as n-channel switches
only, and turn off the switches near the virtual ground node of the opamps first. Such
an approach will minimize distortion and gain error as well as keeping dc offset low.

EXAMPLE 10.6
Assuming anideal opamp, estimate the amount of dc offsetin the output of the circuit
shown in Fig. 10.26 due to channel-charge injection (ignore overlap capacitance
charge injection) when C; = 0 and C, = C, = 10C, = 10 pF. Assume that
switches Qj, Q, are n-channel devices with a threshold voltage of V,, = 0.8 V,
widthof W = 30 pm, lengthof L = 0.8 um, C,, = 1.9x 107 pF/umz,and
that power supplies of 2.5 V are used.
Solution -

From (10.82), we can calculate the amount of channel charge of Q,. Q, (when
on) to be

QCHB = QCHd

{10.84) ‘
—(30)(0.8)(0.0019)(2.5-0.8) = -77.5x 10" pC

1l

Note that the dc feedback around the opamp will keep the virtual input of the
opamp at zero volts. Also, all of the dc feedback current is charge transferred
through the switched capacitor C,. Thus, the charge being transferred through
this capacitor must equal the charge injected by both Q, Q, (assuming the
input is at zero volts and therefore does not contribute charge). The charge trans-
fer into C; is given by

Qq, = CiVy (10.85)

Now, we estimate that half the channel charges of Q; and Q, are injected to
the virtual ground node by the following reasoning. When ¢,, turns off, half the
channel charge of Q, goes into the virtual ground while half of its charge is
placed at the node between Q; and Q,. When ¢,, goes high, the second
charge escapes to ground, but when ¢,, goes low, haif of its channel charge is
left between Q; and Q, and is passed into the virtual ground when ¢,, goes
high again. As a result, we can write the following charge equation,
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1
5(Qens + Qcus) = Qe, (10.86)
which can be used to find QC} , and hence the output voltage from (10.35)
-3
Vout = M = 78 mV . (1087)
1pF

Thus, we see that this output dc offset value is affected by the size of capac-
itors used (in particular, C,) as well as the switch sizes and power-supply volt-
age. It should be mentioned here that if the dc input offset voltage of the opamp
was included in the analysis, it would be multiplied by the dc gain of the circuit
similar to that which occurs in an active-RC circuit.

Charge-injection is especially troublesome at higher frequencies. At higher fre-
quencies, the time constant of the switch-on resistance and the capacitor being charged
or discharged must be smaller; this necessitates larger switches for a given size capac-
itor and therefore greater charge-injection. It is possible to derive a very simple for-
mula that gives an approximate upper bound on the frequency of operation of an SC
circuit for a specified maximum voltage change due to charge injection. This upper
bound takes into account switch channel charge only and ignores charge injection due
to overlap capacitance.

Most SC circuits will have two series switches for each capacitor. If one assumes
that, for good settling, the sampling clock half—pe.l:iod must be greater than five time
constants, then we have

g:- 5R,,C (10.88)

where T is the sampling period, R, is the on resistance of the n-channel switch, and
C is the capacitor. Equation (10.89) may be rewritten
1
fok< ===
10R,,C

where fo, = 1/T is the clock frequency. Recalling (1.108) from Chapter 1, we have

R, = — (10.90)

w
unCoxtVeff

(10.89)

Also, using (10.83), the charge change due to the channel charge only caused by turn-
ing an N -channel switch off is approximated by
OGH WLCoxVe?f

AV| = = 10.91
v 2C 2C (105D

For a specified |AV] a4 (10.92) implies that
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WLC,,V
= o el (10.92)
2|AV nax
Substituting (10.91) and (10.93) into (10.90) gives
|V
o = e (10.93)
5L

a very simple expression. Thus, the upper frequency limit to charge injection for
SC circuits is inversely proportional to L* and is approximately independent of the
size of capacitors or the power-supply voltages, assuming the switch sizes are chosen
optimally; as technology improves, much higher switching frequencies are attain-
able. Finally, (10.94) ignores overlap capacitance, so it is somewhat optimistic and
should be therefore considered an upper bound on the maximum clocking frequency.

EXAMPLE 10.7

Assuming the maximum voltage change due to clock feedthrough is 1 mV, what
are the maximum clocking frequencies considering only channel charge injec-
tion for technologies having minimum channel lengths of 0.8 1um, 0.5 pim, and
0.3 um?

Solution

Using (10.94) and p, = 0.05 M°/V - s gives f,, , which must be less than 15.6
MHz, 40 MHz, and 111 MHz, respectively, for the three different technologies.
Notice the substantial increase in speed for SC circuits as the technology improves.

10.6 SWITCHED-CAPACITOR GAIN CIRCUITS

Perhaps the most common nonfiltering analog function is a gain circuit where the out-
put signal is a scaled version of the input. In this section, we shall see that it is possi-
ble to realize accurate gain circuits by making use of switched-capacitor techniques.

Parallel Resistor-Capacitor Circuit

In active-RC circuits, a gain circuit can be realized as paralle]l combinations of resis-
tors and capacitors in both the feedback and feed-in paths, as shown in Fig. 10.27(a).
One of the first switched-capacitor gain circuits uses a similar approach, where the
two resistors have been replaced by their switched-capacitor equivalents, as shown in
Fig. 10.27(b) [Foxall, 1980]. Using the signal-flow-graph technique of Section 10.2,
straightforward analysis results in the transfer function for this switched-capacitor
gain circuit being given by
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R.
""“'
R./K C,
W i
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Vin ii 1 - L . Vour(t) = _Kvin(t)
+
(a)
c. %
PM’?_
C,
V..(N
in(1) fD_—o Vour(N) = ~Kv,(n)
+

(b)

Fig. 10.27 [a) An activeRC gain circuit. (b An equivalent switched-
capaciter gain circuit,

H(z) = = -K (10.94)

Unfortunately, this design will also amplify the 1/f noise and offset voitage of the
shown opamp by K. However, it does have the advantage that its output is a continu-
ous waveform that does not incur any large slew-rate requirement {as occurs in the
resettable gain circuit discussed next).

Resetable Gain Circuit

The next configuration continuously resets an integrating capacitor on each clock
cycle, as shown in Fig. 10.28 [Gregorian, 1981]. Here, the voltage across the integrat-
ing capacitor, C, , is cleared on each ¢, , while on ¢, the input voltage charges C, and
the charging current flows across C, at the same time. In this way, the change in
charge across C,, AQg., equals the change in charge across C,, AQg,, and there-
fore, at the end of ¢, , the output voltage is related to the input voltage by V,,./V;, =
-C,/C,.

In addition, this circuit stores any opamp input-offset voltage across the input and
feedback capacitors. When the output is sampled by the succeeding circuit (during
¢, ). the effects of the input-offset voltage of the opamp are cancelled from the output

442 of 720




10.6 Switched-Capacitor Gain Circuits 429
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Fig. 10.28 A reseftable gain circuit where opamp offset voltage is cancelled.

voltage. The elimination of the opamp’s input-offset voltage is important for two rea-
sons. One reason is that if the offset voltage is not cancelled, it will also be amplified
when the input signal is amplified and therefore can be troublesome. A second reason
{and often more important) is that when the offset voltage is eliminated, 1/f noise is
also reduced. As we saw in Chapter 4, 1/f noise is large at low frequencies and can be
a dominant noise source in many MOS circuits. However, when a circuit cancels de
offset voltages, the circuit has, in effect, a high-pass response from the opamp’s input
terminals to the output voltage. Thus, the 1/f noise is also high-pass filtered and hence
reduced. It should be noted here that although there is a high-pass response from the
opamp’s input terminals to the output voltage, the response from the overall circuits
does not necessarily have a high-pass response.

To see this offset cancellation, consider the gain circuit during ¢, (i.e., when it is
being reset) as shown in Fig. 10.29(a). The effect of the input offset voltage is being
modelled as a voltage source, V4, which is placed in series with one of the opamp
inputs. In this case, it is placed in series with the positive input, which results in the
analysis being marginally simpler. During ¢, , both the voliages across C, and C,
are equal to the opamp offset voltage, Vi . Next, during ¢, the circuit is configured
as shown in Fig. 10.29(5), and at the end of ¢, the voltage across C, is given by

Vor
+ -
—
CZ - ch
— IL +
Vo Vo C,

_ + 1
rt—T } o Vot Vin(N) ,CLH; } Vou(N)
1

= Vo +
h‘_ Voff_ = _[CCT;] Vin(n)

(a (b)
Fig. 10.29 The resettable gain circuit (o] during reset (0,), and {b} during valid output (,).
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Ve, (N) = vip(n) ~ Vo, while that for C, is given by Vg (N) = v,(N) — V.
Therefore we can write, i

AQg¢; = C [V (M= (Vo] = Cpvin(n) (10.95)
and
AQ
VoM = Vo n-1/2)-—= (10.96)
2
Since the voltage across C, one-half period earlier was -V and AQg, = AQg,,
we have
C vin(n)
Vo, () = = V- (10.97)

C,

Finally, since one side of C, is connected to the virtual ground of the opamp, which
is at V4, the output voltage is given by

VoulM) = VOH + ch(n)

Vi + {— Vor —

Clvn
_02 in()

Thus, the output voltage is independent of the opamp offset voltage.

Note, however, that the output voltage is only valid during &, and it is equal to
Vi during ¢, , as shown in Fig. 10.30. The difficulty in realizing this waveform is
that the opamp output must slew between (-C,/C,)v;, and a voltage near 0 V each
time the clock changes. Clearly, such a waveform requires a very high slew-rate
opamp for proper operation.

Finally, note that a programmable gain circuit is easily realized by replacing C,
with a programmable capacitor array7 (PCA) where the capacitor size is determined

C"1\"rin(n)
C,

(10.98)

by digital signals.
Vout
A [,
- Vg
X e
T T T T T T IL\ 1 =Time
AR ~

Fig. 10.30 An example output waveform for the reseftable gain circuit.

7. A programmable capacitor array is a capacitor whose size can be digitally controlled. It normally con-
sists of a number of binarily-weighted capacitors having one plate common for all capacitors and the other
plate of each capaciter connected through digitally-controlled switches to either a second common node or
ground.
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Capacitive-Reset Gain Circuit

To eliminate the need for the opamp output to slew to approximately 0 V each clock
period yet still cancel the opamp’s offset voltage, a capacitive-reset gain circuit can be
used. The basic idea of the gain circuit is to couple the opamp’s output to the inverting
input during the reset phase with a capacitor that has been previously charged to the
output voltage. Thus, we shall see that one property of this gain circuit is that the
opamp’s output need only change by the opamp’s offset voltage between clock phases.
In addition, since the circuit is insensitive to the opamp’s input offset voltage, it also
reduces the effect of the opamp’s 1/f noise. Finally, it can also be shown (see [Martin,
1987]) that for low-frequency inputs (or for inputs that are constant for at least two
clock periods), the errors due to finite gain, A, of the opamp are proportional to 1/ A’
(rather than the usual 1/A). Such a result often allows the use of single-stage opamps
that are very fast opamps.

The capacitive-reset gain circuit is shown in Fig. 10.31. Capacitor C, is an optional
“deglitching” capacitor [Matsumoto, 1987] used to provide continuous-time feedback
during the nonoverlap clock times when all the switches are open. This deglitching tech-
nique works well and should be used on almost all switched-capacitor circuits that
would otherwise have no feedback connection at some instant of time. This capacitor
would normally be smatl (around 0.5 pF or less).

This gain circuit can be either inverting or noninverting depending on the clock
phases of the input stage. While the inverting circuit creates its output as a delay-free
version of the input, the output for the noninverting case would be one-half clock
cycle behind the input signal. -

To see how this capacitive-reset gain circuit operates, consider the inverting cir-
cuit during the reset phase of ¢,, as shown in Fig, 10.32(a). We have assumed capac-
itor C; was charged to the output voltage during the previous ¢, clock phase. Here
we see that capacitors C, and C, are charged to the opamp’s input-offset voltage,
V¢i . in the same manner as in the resettable gain circuit of Fig. 10.28. The next clock
phase of ¢, is shown in Fig. 10.32(b), where we see that the output voltage is

&
ke
=0; 4

41(%) c.

Vin(n) o—J Ty

Vo, (N) = (C’Jv (n)
0 4 out = T~ | Vin
(45)'{ C.

Fig. 10.31 A gain circuit using capacitive reset {C, is an optional deglitching
capacitor). Depending on the inputstage clock signals, the gain can be either
inverting {as shown) or noninverting (inputstage clocks shown in parentheses}.
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p—=o Vnui(n)

- [&
= T~ c:2 Vin(n)

-+
— } | V(N -1+ Vo
| o,

(a (b)

Fig. 10.32 Capacitivereset gain circuit. (a) During reset (9,) when the output remains near previous
output level. (b} During valid output (¢,) when no offset error is present.

independent of the offset voltage in the same manner as the resettable gain circuit. In
addition, we see that during ¢, , capacitor C, is charged to the output voltage. Before
proceeding, it is of interest to note what happens to the charges on C, and C, when
going from phase ¢, to ¢, (i.e., circuit (&) to (@) of Fig. 10.32). Since the charges on
C, and C, are equal {recall that the charge on C, was obtained during the charging
of C,), when one side of each of C, and C, are grounded, their charges cancel each
other and no charge is dumped onto C, . Therefore, in the circuit of Fig. 10.32(a), the
voltage on C; remains equal to the previous output voltage as shown. It should be

$1a

Fig. 10.33 A differentiaHo-single-ended gain circuit using capacitive reset,
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noted here that even if the two charges did not precisely cancel, it would only result in
the output voltage moving slightly further away froni the previous output voltage dur-
ing ¢, but would not affect the output voltage during ¢,.

Finally, this capacitive-reset gain circuit can also realize a differential-to-single-
ended gain stage, as shown in Fig. 10.33. Note that the shown circuit indicates that the
switches connected around the virtual grounds are disconngcted slightly sooner than
other switches to reduce nonlinearities due to charge injection. This circuit has a
switched-capacitor circuit connected to the positive input of the opamp that not only
accepts differential inputs but also, to a first-order approximation, cancels the clock
feedthrough of the switches [Martin, 1982]. The measured common-mode input rejec-
tion ratio for this circuit was 50 dB where a 5 pm technology was used together with
a clock rate of 5 MHz [Martin, 1987].

10.7 CORRELATED DOUBLE-SAMPLING TECHNIQUES

The preceding SC gain amplifier is an example of using correlated double sampling
{(CDS) to minimize errors due to finite offset voltages, 1/f noise, and finite opamp
gain. This technique is generally applicable to SC circuits of many different types
[Temes, 1996]. To date, it has been used to realize highly accurate gain amplifiers,
sample and holds, and integrators. The basic methodology in all cases is similar: Dur-
ing a calibration phase, the finite input voltage of the opamp is sampled and stored
across capacitors; during the operation phase (when the output is being sampled), this
error voltage is subtracted from the signal voltage by appropriate switching of the
capacitors. A detailed description of CDS techniques is beyond the scope of this text;
rather, a couple of examples will be briefly described and the interested reader can
consult the tutorial [Temes, 1996] for more information.
A wide-band amplifier that uses CDS, similar to the SC amplifier of Fig. 10.31,
but with superior high-frequency operation, is shown in Fig. 10.34. During ¢,, C]
and C} are used to have
Ci :
Vout = _C_;’Vin (1099)

but with errors due to finite input-offset voltage, 1/f noise, and gain. At the same time,
the finite opamp input voltage caused by these errors is sampled and stored across C,
and C, . Next, during ¢, this input error voltage is subtracted from the signal (applied
to the opamp input) at that time. Assuming that the input voltage and the opamp input
error voltages did not change appreciably from ¢, to ¢,. errors due to them will be
significantly reduced.

The technique can also be used to realize accurate integrators. For example,
the SC integrator shown in Fig. 10.35 [Nagaraj, 1986; Ki, 1991] uses an additional
capacitor, C5, to sample the opamp input error voltages during ¢,. Next, during
0,, Cj is connected in series with the opamp’s inverting input and greatly mini-
mizes the effects of these errors (by a factor of the inverse of the opamp’s gain
over what would otherwise occur at frequencies substantially less than the
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Fig. 10.34 An SC amplifier with CDS to minimize errors due to
input- offset voltages, 1/f noise, and finite gain.

¢2T1) c, ¢2-1H ¢1'||:Il o,
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Fig. 10.35 An SC integrator with CDS to minimize errors due to
inputoffset voltages, 1/f noise, and finite gain. -

sampling frequency). Similar architectures, with an open-loop capacitor in series
with the opamp input during the phase when the output is sampled, can also be
used for gain amplifiers.

When CDS sampling is used, the opamps should be designed to minimize thermal
noise rather than 1/f noise. This might mean the use of n-channel input transistors
rather than p-channel input transistors, for example.

When this technigue is used in high-order SC filters, often only a couple of stages
will have low-frequency gain from the opamp input terminals to the filter outputs and
will require CDS circuitry. Other integrators can be more simply realized. This tech-
nique has proven to be very useful in applications such as oversampling A/D convert-
ers, where accurate integrators are required in the first stage [Hurst, 1989; Rebeschini,
1989] to reduce input-offset voltages and especially 1/f noise.

10.8 OTHER SWITCHED-CAPACITOR CIRCUITS

In this section, we present a variety of other switched-capacitor circuits useful for
nonlinear applications, Specifically, we look at an amplitude modulator, full-wave
rectifier, peak detector, voltage-controlied oscillator, and sinusoidal oscillator.
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Amplitude Modulator

Amplitude modulators are used to shift a signal along the frequency axis. For exam-
ple, to shift an information signal, m{t), by a carrier frequency, ®,,, we multiply m(t)
by a sinusoidal signal of frequency, ®,,. or mathematically,

y(t = m(t) x cos(m,,t) \ (10.100)

Since the Fourier transform of cos{®,,t) is md{m — w,,) + T(® + 0,,) , and multi-
plication in the time domain is equivalent to convolution in the frequency domain, one
can show that the spectrum of y(t) is equal to

Yiw) = %M(m+mca)+%M(m—wca) (10.101)

Thus, the output spectrum only has power around o ,.

However, in many cases it is difficult to realize a sinusoidal signal as well as a
linear multiplier. As a result, many modulators make use of a square-wave carrier sig-
nal, in which case the output signal is simply

y(t) = m{t) xs4(t) = =m(b) | (10.102)

where S4(t} is a square wave operating at the carrier frequency whose amplitude has
been normalized to 1. Thus, this approach simply requires a square-wave signal at the
carrier frequency determining whether m(t) or —m(t) is passed o the output. The
penalty paid here is that rather than Y(w) having power located only around *w,.
there will also be significant power around odd multiples of ., since a square-
wave signal has power at odd harmonics of the fundamental. These extra images can
typically be tolerated through the use of additional filtering stages.

A square-wave modulator can be realized using switched-capacitor techniques, as
shown in Fig. 10.36. Here, the modulator is realized by making use of the capacitive-
reset gain stage of Fig. 10.31. Note that the polarity of the output signal is determined
by changing the clock phases of the input-transistor pair through the use of ¢, and
¢g . which are controlled by the square-wave carrier clock signal ¢, . When ¢, is
high, ¢4 = ¢, and 6g = ¢,, which results in a noninverting output of (C,/C,)v;,.
When ¢, goes low, the clock phases of ¢,, ¢ switch, and the circuit produces an
inverting output of —(C,/C,)vi,.

Full-Wave Rectifier

A full-wave rectifier produces as its output the absolute value of the input. In other
words, if the input is positive the output equals the input, but if the input is negative
the output equals an inverted version of the input.

It is possible to realize a full-wave rectitier by making use of an amplitude modu-
lator where, instead of a square-wave carrier signal being used, the output of a com-
parator controls the polarity of the output signal, as shown in Fig. 10.37. If the input
signal is above ground. ¢, goes high and the output is equal to a scaled version of the
input. If the input signal is below ground, ¢., goes low and the ocutput equals an
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Fig. 10.36 (o} A swilchedcapacitor square-wave modulator where the input clock phases are
controlled by the modulating square wave ¢y . (b} A possible circuit realization for ¢, and ¢g .

) Modulator of v
I e—s——p  Fig. 10.36. —» “out
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I ”

Fig. 10.37 A full-wave detector based on the square-
wave modulator circuit of Fig. 10.36.

inverted scaled version of input. For proper operation, the comparator output must
change synchronously with the sampling instances. Circuits to achieve this operation
are given in [Gregorian, 1986].

Peak Detectors

Peak detectors produce as their output the maximum value of an input signal over
some time period. While peak detectors will normally have some decaying circuitry
associated with them (or a circuit to reset the peak occasionally), here we shall just
look at the peak detector circuit itself. Two methods for realizing peak detectors are
shown in Fig. 10.38.

In Fig. 10.38(a), a latiched comparator is used to determine when v;, > v, . When
such a condition occurs, the comparator output goes high and the switch Q; turns on,
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i Voo
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Comp Q,
L] Opamp Vour
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o e 1™
(a) (b)

Fig. 10.38 Twopeak detectors: [a) latchedcomparator approach; (b} continuous-
time approach.

forcing Vg, = Vin. The comparator is latched here to maintain its speed as well as
ensuring that the comparator output is either high or low. Note that this circuit requires
that the input signal directly drives G, through Q,, and hence buffering may be
required. However, this circuit can be reasonably fast since latched comparators can be
made to operate quickly and there is no opamp settling involved (only the RC time
constant of Q, and Gy).

The circuit of Fig. 10.38(5) requires an opamp (with proper compensation), since
it places Q, in a feedback connection. When v, > v, the opamp output will stast
to go high, thus turning on Q, and hence turning on the feedback loop. While the
feedback loop is on, the high loop gain will force v, = v,, with a high accuracy.
Note that this circuit has a high input impedance as the input signal is applied to the
noninverting terminal of an opamp. However, this opamp-based circuit will typically
be slower than the comparator-based circuit of Fig. 10.38(a) since one needs to wait
for the opamp output to slew and then settle. This slewing time can be minimized by
adding circuitry to ensure that the gate of Q. never becomes lower than the output
voltage when Q. is not conducting.

Voltage-Controlled Oscillator

A voltage-controlled oscillator (VCQ) is an oscillator whose frequency can be adjusted
through the use of a controlling voltage. As we shall see, the VCO described here gen-
erates an output square wave that places the oscillator alternatively in one of two states
and is referred to as a relaxation oscillator. As we shall see in Chapter 16. a VCO is an
integral part of a phase-locked loop (PLL).

The basic principle and typical waveforms of the relaxation oscillator are
shown in Fig. 10.39 [Martin, 1981} and operate as follows. Assume that v, has
just toggled low to -V, and node v, is now at a level quite a bit higher than
zero. On ¢, k,C will be charged up to a voltage of —Vgg. resulting in a charge
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value given by

Okzc = _kZCVSS (10103)
Note that the voltage across the unswitched capacitor k;C remains unchanged at
—Vgg. Next, as ¢, goes high, the charge on k,C will be transferred to C (while the

voltage across unswitched k;C again remains unchanged) and the output will fall by
an amount equal to

o2 k.C ®.
A AL
g I ITT
0 '|Ii. -IE||" [0}
er = =
IIC

Vx
L
= Opamp [ Veomparator

{(a)

F 3 V.
-L.
» Time
— Voo
k1 (VDD + Vss) " }‘
‘Voui T
VDD
» Time
_VSS — :
1
TOSC I

(b)

Fig. 10.39 A switchedcapacitor relaxation oscillator.
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C C

This operation will continue until v, reaches zero volts. In effect, k,C and C have
formed a noninverting discrete-time integrator, while capacitor k;C does not affect
the operation of the circuit. Once v, goes below zero, the comparator output will tog-
gle to -Vpp, and at this point a large amount of charge will pass through k,C while
the voliage across it changes from —Vgg to Vpp . This large charge value is equal to

AQy ¢ = K C(Vpp— (-Vsg)) (10.105)

Av, = —k,Vssg (10.104)

and since this charge is drawn across C , then AQ¢ = AQ, ¢ and node v, drops by
an amount equal to
AQ¢

Av, = -7 - K (Vpp + Vgg) (10.106)
as shown in Fig. 10.39(&). After this time, v, will step up in increments of k,Vpp
(since V,,, now equals Vpp ) until v, = 0, at which point a large positive voltage
step will occur. Just after this positive step, we will be back at our starting point, and
the entire operation will repeat indefinitely.

To derive a formula for the oscillation period T, we make the assumption that
k,>>k, such that many small steps occur over one-half T, period. With this
assumption, we can now write that the total number of clock cycles, T,q./T, equals
the number of steps during negative sloping v, plus the number of steps during posi-
tive sloping v, . Mathematically, we have -

Tose _ Ki(Vop+Vss) Ki(Vpp+ Vgs)

_os¢ _ + (10.107)
T k,Vss k,Vop
Assuming Vpp = Vgg. we have a 50 percent duty cycle with
k,
Tose = 4 —|T (10.108)
k;
or equivalently,
1(k,
fose = Zl[k—,}f (10.109)

This fixed-frequency oscillator can be made voltage controlled by adding an extra
feed-in capacitor to the oscillator, k;,C, as shown in Fig. 10.40. Here, when V;, is
positive, extra charge packets are added into the integrator with the same sign as those
for k,C, and the circuit reaches v, = 0 sooner. If V,, is negative, then extra charge
packets are added into the integrator with the opposite sign as those for k,C, and the
circuit reaches v, = O later. Assuming K, >>X,, k;, and Vpp = Vgg, it is left as an
exercise to the reader (Problem 10.12) to show that the frequency of oscillation for the
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Fig. 10.40 A voltage<ontrolled oscillatar (VCO} based on the relaxation oscillator of Fig. 10.39.

voltage-controlled oscillator of Fig. 10.40 is given by

k7 I(inVin
fose = ! — + f (10.110)
4k, KkVpp

Sinusoidal Oscillator )
In many applications, it is useful to realize an osciilator which produces a nearly sinu-
soidal output. For example, when a button is pressed on a touch-tone telephone, the
signal sent down the telephone line is simply the sum of two sinusoidal signals at cer-
tain frequencies (the signal is known as a dual-tone multi-frequency (DTMF) signal).
Thus, switched-capacitor sinusoidal oscillators could be used to generate the neces-
sary touch-tone signals.

One method of generating a sinusaoidal oscillator is shown in Fig. 10.41. Here, a
high-Q bandpass filter with center frequency f, is used together with a hard limiter.
Assuming some start-up circuit is used to force oscillations to exist, we see that a
sinusoidal wave at v, resuits in a square wave at vV, which has a large component at
f,. The signal v, is filtered by the bandpass filter and thus maintains the sinusoidal
signal, v, ;. The oscillation frequency is set by the center frequency of the bandpass
filter, while the sinusoidal amplitude is set by the center frequency gain of the filter
and the peak values of the square-wave signal.

A switched-capacitor implementation of this sinusoidal oscillator is shown in
Fig. 10.42 [Fleischer, 1985], where the high-Q bandpass filter has been realized using
the circuit of Fig. 10.25. The comparator generates signals X and X with the result
that the switched-input associated with V., is either positive or negative. The start-
up circuit is used to sense when an ac signal is present at vg,,. When no ac signal is
detected, v, is low and the extra capacitors C; and C¢ form a positive feedback
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Fig. 10.41 A sinusoidal oscillator that makes use of a bandpass filter.
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Fig. 10.42 A switched<apacitor implementation of a sinusoidal oscillator.

loop which causes oscillations to build up. Once an ac signal is detected, v, goes
high and the positive feedback loop is broken, thereby allowing oscillations to con-

tinue, as discussed previously.
For examples of other nonfiltering uses of switched-capacitor circuits, the inter-

ested reader is referred to [Gregorian, 1986].
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10.10 PROBLEMS

10.1 Assuming logic signals have infinitely fast fall and rise times but are delayed
by 1 ns through a logic gate, draw the output waveforms of the two phase
clock generators shown in Fig. 10.3(b). Assume the delay blocks add delays
of 10 ns each and a clock frequency of 10 MHz is applied to the input.

10.2 Ignoring the effect of parasitic capacitances, find the discrete-time transfer
function of the switched-capacitor circuit shown in Fig. P10.2,

02 C.
0y L ___|(__
L b
vi(n) Vo) L
Vi(z) C, V(N _TT_
< Vo(2)
Fig. P10.2

10.3 Repeat Problem 10.2 but include the eftect of parasitic capacitances.

10.4 Show that when an opamp has a finite gain of A, the transfer function for the
discrete-time integrator of Fig. 10.5 is given by

V,(2) _ C,
2 |C./lZ1 : ]—1
Vi(z) C, z( +C A

2
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Also show that this transfer function has a de gain of —A and a pole that is
located slightly to the left of 1 by an amount approximately equal to
(C,/7Cy (1/A).

Repeat Example 10.3 but assume the discrete-time zero is at Z = 0 and the
pole remains at z = 0.53327 . Note that with this change, C, is no longer
required at the sacrifice of a nonzero gain being obtained at 50 kHz. What is
the new gain at 50 kHz?

Find the capacitances needed for the first-order filter shown in Fig. 10.15(a)
to realize a discrete-time transfer function having a dc gain of one, a zero at 0,
and a 3-dB frequency of | kHz when a clock frequency of 50 kHz is used.
Assume that C, = 50 pF. What is the gain (in dB) at 25 kHz?

Find the transfer function of the circuit shown in Fig. 10.16 when

C, =0pF,C, = 2pF, C, = 2pF;and C, = 20 pF. What is the magni-
tude and phase of the gain at dc, f,/4 and f,/27

Find the discrete-time transfer function of the switched capacitor circuit
shown in Fig. P10.8.

¢ C, ¢
C,
4)' had kb2
0, c ¢,
e 2 L = (7:
Vi(Z) o JT ): TT - p A
"\
¢‘2-|'i EF¢1 < ?-1
= . Vo2) T
Fig. P10.8 i

Show that when K, = 0 in the biquad circuit of Fig. 10.21, if the poles are
complex, they lie precisely on the unit circle (i.e., the circuit is a resonator).

Using the bilinear transform, design a bandpass filter witha Q = 20 (in the
continuous-time domain) and a peak gain of one near f,/100. Find the larg-
est to smallest capacitor ratio if this transfer function is realized using the
high-Q biquad circuit, and compare it to that which would be obtained if the
low-Q circuit were used instead. Let C; = C, = 1 inboth cases.

Sketch a typical output waveform for the capacitive-reset gain circuit of
Fig. 10.31 if the opamp has an input offset of 100 mV and a gain of 10 is
desired.

Verify that Eq. (10.104) gives the frequency of oscillation for the VCO of
Fig. 10.40.




CHAPTER

11

Data Converter
Fundamentals

In this chapter, fundamental aspects of analog-to-digital (A/D) and digital-to-analog
(D/A) converters are presented without regard for their internal architecture or circuit
design. In effect, converters are treated in this chapter as black boxes such that only
their input-output relationships are discussed. Internal architectures and circuits tech-
niques for realizing data converters are discussed in following chapters.

Before proceeding, it is useful to make the distinction between two main types of
data converters.

Nyquist-Rate Converters We loosely define Nyquist-rate data converters as those
converters that generate a series of output values in which each value has a one-to-one
correspondence with a single input value. For example, a Nyquist-rate /A converter
would generate a series of analog output levels, where each level is a result of a single
B-bit input word. However. it should be noted that Nyquist-rate converters are seldom
used at the Nyquist rate due to the difficulty in realizing practical anti-aliasing and
reconstruction filters. In most cases, Nyquist rate converters operate at 1.5 to 10 times
the Nyquist rate (i.e., 3 to 20 times the input signal’s bandwidth).

Oversampling Converters Oversampling converters are those converters that
operate much faster than the input signai’s Nyquist rate (lypically 20 to 512 times
faster) and increase the output’s signal-to-noise ratio (SNR) by filtering out quantiza-
tion noise that is not in the signal’s bandwidth. In A/D converters, this filtering is per-
formed digitally, whereas in D/A converters, analog filtering is used. Most often,
oversampling converters use noise shaping to place much of the quantization noise
outside the input signal’s bandwidth (see Chapter 14).

This distinction is made here since much of the descriptions that follow refer
mere closely to Nyquist-rate converters than to oversampling converters.

11.1 IDEAL D/A CONVERTER

Consider the block diagram of an N-bit D/A converter shown in Fig. 11.1. Here, B,
is defined to be an N-bit digital signal {or word) such that

B = b]2_1 +b')2-2 + e +bN27
n =
445

N (11.1)
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Bin * DA Vou
v } Fig. 11.1 A block diagram
ref

representing a D/A converter.

where b; equals 1 or O (i.e., bjis a binary digit). We also define b, asthe mostsignificant
bit (MSB) and by as the least significant bit (LSB). Furthermore, we have assumed here
that B, represents a positive value, resulting in a unipolar D/A converter. A unipolar
D/A converter produces an output signal of only one polarity. In conirast, signed con-
verters produce output signals of either positive or negative polarity, depending on a sign
bit (usually b,). Extending the following concepts to the signed case is straightforward
but requires knowledge of the type of digital representation used (i.e., sign magnitude,
offset binary, or 2's complement). Signed codes are discussed in Section 11.4.

The analog output signal, V. , is related to the digital signal, B;,, through an analog
reference signal, V,, . For simplicity, we assume thatboth V,,, and V. are voltage sig-
nals, although, in general, they may be other physical quantities, suchas current orcharge.
The relationship between these three signals for a unipolar D/A converter is given by

Vou = Vref(blz_] +b2272 + o +bN2-N) = VieiBin (11.2)
It is useful to define V| gg to be the voltage change when one LSB changes, or,
mathematically,
v -
Viss = — (11.3)
N

Also useful (particularly in measuring errors} is the definition of a new “unit,”
namely, LSB units, which are in fact unitless.

1LSB = iN (11.4)

2

The transfer curve for an ideal 2-bit D/A converter is shown in Fig. 11.2. Note
here that, although only a finite number of analog values occur at the output, for an
ideal /A converter, the output signals are well-defined values. Also note that the
maximum value of V,, is not V g but rather V (1 — 2_N), or equivalently,
V,.; — Vi gg. Finally, as we can see from (11.2), a multiplying D/A converter is real-
ized by simply allowing the reference signal, V,, to be a varying input signal along
with the digital input, By, . Such an arrangement results in V,,, being proportional to
the multiplication of the input signals, B, and V .

EXAMPLE 11.1

An 8-bit D/A converter has Vs = 5 V. What is the output voltage when
B,, = 10110100? Also, find V g5
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Fig. 11.2 Inputoutput transfer cuive for an ideal 2-bit D/ A converter,

Solution
We can find the decimal equivalent of B;, using (11.1)
B,=2" +27 +27 +27° = 0703125 (11.5)
Then, using (11.2), we find
Vout = VieiBin = 3.516 V (11.6)
and
Vigs = 5/256 = 19.5" mV (11.7)

11.2 IDEAL A/D CONVERTER

The block diagram representation for an A/D converter is shown in Fig. 11.3, where
B, is the digital output word while V,, and V., are the analog input and reference
signals, respectively. Also, we define V| gg to be the signal change corresponding to
a single LSB change as in the D/A case.

For an A/D converter, the following equation relates these signals,

V(0,2 +b,270 + o +b 2™ =V, V,

where
1 1
Vin _._ AD Bout
Fig. 11.3 A block diagram representing an
Vier A/D converter.
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v
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0 41/ 1/243 1 e Fig. 11.4 Inputoutpu! transfer curve for a 2-

Vo Vi Vii/ Vi bit A/D converter.

Note that there is now a range of vahd input values that produce the same digital out-
put word. This signal ambiguity produces what is known as quantization error. Also,
note that no quantization error occurs in the case of a D/A converter since the output
signals are well defined.!

As in the /A case, a transfer curve for an A/D converter can be sketched as
shown in Fig. 1 1.4 for a 2-bit converter. Note that the transitions along the V,, axis
are offset by 1/2 V| gg. so that the midpoints of the staircase curve fall precisely on
the equivalent D/A transfer curve. Here, we define the transition voltages at Vj;,
where the subscript 1] indicates the upper By, value of the transition. For example,
Vg, is shown in Fig. 1.4 as the voltage (normalized with respect to Vo) for the
transition from 00 to 01.

Finally, it should be noted that the relation shown in (11.8) holds only if the
input signal remains within 1 LSB of the two last transition voltages. Specifically, for
the 2-bit transfer curve shown in Fig. 11.4, V,,, should remain less than 7/8 V 4
and greater than —1/8 V 4. Otherwise, the quantizer is said to be overlvaded since
the magnitude of the quantization error would be larger than V| g5/2 .

11.3 QUANTIZATION NOISE

As mentioned in Section 11.2, quantization errors occur even in ideal A/D converters.
In this section, we model these errors as being equivalent to an additive noise source
and then find the power of this noise source. Consider the setup shown in Fig. 11.5,
where both N-bit converters are ideal.

Since we have

Vo =V, =V, (11.9)

1. Of course. quantization crrors will oceur it a 6-bit /A converter is used to convert a 10-bit digital sig-
nal. but in this case. the quantization error occurs in the conversion from a 10-bit digital signal to a 6-bit
digital signal.
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B v,
—» AD p=p| D/A

+ Quantization
+ » VQ noise

Fig. 11.5 A circuit to investigate quantization noise behavior.

we can rearrange this equation as
Vi = Vi, +Vq (11.10)

Although this rearrangement is trivial, it has important implications because (11.10)
shows that the quantized signal, V|, can be modelled as the input signal, V,,, plus
some additive quantization noise signal, V. Note that (11.10} is exact because no
approximations have been made here. The guantization noise modelling becomes
approximate once some assumptions are made about the statistical properties of V.

Deterministic Approach

To gain an understanding of some of the properties of the quantization noise signal,
Vg, we will investigate its behavior when the input is a particular function. Specifi-
cally, let us assume the input signal, V,,, in Fig. 11.5 is a ramp. Such an input signal
results in the output from the D/A, V|, appearing as a staircase, as shown in Fig. 11.6,
assuming no overloading occurs. Taking the difference between these two signals
gives us the noise signal, V5, which is a result of quantization error. Note that the
quantization signal, V, is limited to £V, gg/2 and will be so limited for all input sig-
nals (not just ramps). Clearly$ the average of Vg is zero. However, the rms value of
the noise signal, Vi ms), is given by

1¢772 5 112 1772 5 —ty2 12
Vaume = (1], Vadt] = (3L, Viss(3)

T/2 112 (11.11)
[ T Blrn
AVg
A Vin - - 1
= “Viss T
v, 2
N 1
(Time)
1
2 > _EVLSB B -
(Time) T

Fig. 11.6 Applying a ramp signal to the circuit in Fig. 11.5.
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vV _ VLSB
Qirmsy — T —
J12

Thus, we see that the rms power of the quantization noise source is proportional
to the size of V| gg, which is determined by the number of bits, N, in the converter.

(11.12)

Stochastic Approach

The preceding deterministic approach was presented as a simple example to see some
properties of the quantization noise signal. However, to deal with the more general
input case, a stochastic approach is typically used. In a stochastic approach, we
assume that the input signal is varying rapidly such that the quantization error signal,
V. is a random variable uniformly distributed between £V gg/2. The probability
density function for such an error signal, fq(x), will be a constant value, as shown in

Fig. 11.7.
The average value of the quantization error, V4. 18 found to be zero as fol-
lows:
= 1 Viss/?
VQ{avg) = J._waQ(X) dx = VI'S—B(J.VLSB”X dx) =0 (11.13)

In a similar fashion, the rms value of the quantization error is given by

= 172 1 ELSB/:“ 2 172 VLSB
Vaume = Umx fe(x)dx] - [TSBU—VLSB/ZX dxﬂ - = (11.14)

which is the same result as (11.12), which is found using the deterministic ramp input
signal. The fact that these two results are identical should come as no surprise since
randomty chosen samples from the sawtooth waveform in the deterministic case
would also have a uniformly distributed probability density function. In general, the
rms quantization noise power equals V| gg/ /12 when the quantization noise signal
is uniformly distributed over the interval *V, g5/2.

Recalling that the size of V| gp is halved for each additional bit and assuming that
Vo remains constant, we see from (11.14) that the noise power decreases by 6 dB
for each additional bit in the A/D converter. Thus, given an input signal waveform, a

fa(x)
1 =3
4 Height = v . SO that I falx)dx =1
Lse -
I I
_VLSB VLSB
2 2

Fig. 11.7 Assumed probability density function for the quantizo-
tion error, Vg .
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formula can be derived giving the best possible signal-to-noise ratio (SNR) for a
given number of bits in an ideal A/D converter.

For example, assuming V;, is a sawtooth of height V  (or equivalently, a ran-
dom signal uniformly distributed between 0 and V) and considering only the ac
power of the signal, the SNR is given by

Varms) Vi ss/ 12

SNR

(11.15)

201og(2") = 6.02N dB

For example, a 10-bit A/D converter has a best possible SNR of about 60 dB.

Alternatively, a more common SNR formula is to assume V;, is a sinusoidal
waveform between O and V. Thus, the ac power of the sinusoidal wave is
V.17 (24/2), which results in

\

SNR = 20log ﬂ"‘—s)}

VQ(rms)

V.. /(2.2
20log| 7V ( I)J
Viga/(/12)

201log ﬁz“]

6.02N +1.76 dB

(11.16)

SNR

In other words, a sinusoidal signal has 1.76 dB more ac power than a random signal
uniformly distributed between the same peak levels.

Note that (11.16) gives the best possible SNR for an N-bit A/D converter. How-
ever, the idealized SNR decreases from this best possible value for reduced input signal
levels. For example, Fig. 11.8 shows a plot of the idealized SNR for a 10-bit A/D con-
verter versus the sinusoidal input signal amplitude. However, it should be noted that
these SNR values could be improved through the use of oversampling techniques if the
input signal’s bandwidth is lower than the Nyquist rate. Oversampling will be discussed
in detail in Chapter 14, where the design of oversampling converters is presented.

EXAMPLE 11.2

A 100-mV,, sinusoidal signal is applied to an ideal 12-bit A/D converter for
which V,; = 5 V. Find the SNR of the digitized output signal.

Solution

First, we use (11.16) to find the maximum SNR if a full-scale sinusoidal wave-
form of £2.5 V were applied to the input.
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60+ \
SNR 504
(dB) Best possible SNR
40 1+
30+
204
(Vpp = Vref)
101 /
0 v : } } : } —P V,(dB)
—-60 -50 -40 -30 -20 ~10 0

Fig. 11.8 ldedlized SNR versus sinusoidal input signal amplitude for o
10-bit A/D converter. The O-dB input signal amplitude corresponds to a
peak-to-peak voltage equaling V 1.

SNR, ., = 602X 12 +1.76 = 74 dB (11.17)

However, since the input is only a £100-mV sinusoidal waveform that is
28 dB below full scale, the SNR of the digitized output is

SNR = 74 -28 = 46 dB (11.18)

11.4 SIGNED CODES

In many applications, it is necessary to create a converter that operates with both pos-
itive and negative analog signals, resulting in the need for both positive and negative
digital representations. Typically, the analog signal is bounded by +0.5V ;, such that
its full-scale range is the same magnitude as in the unipolar case. Some common
signed digital representations are sign magnitude, 1’s complement, offset binary, and
2’s complement, as shown in Table 11.1 for the 4-bit case. Note from Table 11.1 that
all positive number representations are the same except for the offset-binary case,
where the MSB is complemented.

Sign Magnitude

For negative numbers in the sign-magnitude case, all the bits are the same as for the
positive number representation, except that the MSB is complemented. For example,
the sign-magnitude representation for 5 is 0101, whereas for -5 it is 1101. However,
note that this approach results in two representations for the number 0, and thus only
2" _ 1 numbers are represented.
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Table 11.1 Some 4-bit signed digital representations

Normalized Sign I’s Offset 2’s
Number number magnitude complement binary complement

+7 +7/8 0111 0111 1111 0111
+6 +6/8 0110 0110 1110 0110
+5 +5/8 0101 0101 1101 0101
+4 +4/8 0100 0100 1100 0100
+3 +3/8 0011 0011 1011 0011
+2 +2/8 0010 0010 1010 0010
+1 +1/8 0001 0001 1001 0001
+0 +0 0000 0000 1000 0000
(-0) -0 (1000) (1111)
-1 -1/8 1001 1110 0111 1111
2 -2/8 1310 1101 0110 1110
-3 -3/8 1011 1100 0101 1101
-4 —4/8 1100 1011 0160 1100
-5 -5/8 1101 1010 0011 1011
-5 —6/8 1110 1001 0010 1010
.y —7/8 111 1000 0001 1001
-8 -8/3 0000 1000

1’s Complement

In I’s-complement representation, negative numbers are represented as the comple-
ment of all the bits for the equivalent positive number. For example, here, 3 is once
again 0101, whereas -5 is now 1010. It should be noted that the 1’s-complement case
also has two representations for 0, and thus only 2" — Inumbers are represented.

Offset Binary

The offset-binary representation is obtained by assigning 0000 to the most negative
number and then counting up, as in the unipolar case. In other words, this system can
be thought of as simply a unipolar representatlon counting from O to 2N but where the
decimal numbers repre%ented are offset by 2" or equivalently, the decimal counts

are from —2" ~'t0 2" 7', For example, the offset -binary code for the number 5 in the
4-bit case 1s the same as the unipolar code for the number 13, which is 1101, since
13 = 5 +2° 7' The offset- binary code for -5 is the same as the unipolar code for 3,

which is 0011. Note that the offset-binary code does not suffer from redundancy, and
all sixteen numbers are uniquely represented. Also, this code has the advantage that it
is closely related to the unipolar case through a simple offset.

Finally, the unipolar relationship for a D/A converter given in (11.2) is easily
modified to the signed case, with offset-binary representiation as

Vour = Vie(0,27 +0,27 4.+ b2 ™) —0.5V,,, (11.19)

Note here that the output signal is now bounded by *0.5V
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2’s Complement

Finally, the 2’s-complement representation is obtained from the offset-binary number
by simply complementing the MSB. For the 4-bit example, 5 becomes 0101 in 2’s
complement (the same as in sign magnitude and in 1’s complement), whereas -5 is
now 1011. It should be mentioned that the 2’s-complement code for negative numbers
can also be obtained by adding 1 LSB to the equivalent 1’s-complement code.

The main advantage of 2’s-complement coding is that addition of both positive
and negative numbers is performed using straightforward addition, and no extra hard-
ware is required. Also, the subtraction of two numbers, A — B, can be easily per-
formed by complementing all the bits for B (i.e., forming the 1’s-complement
equivalent) and then adding this result to A at the same time as adding a single LSB in
order to create the 2’s-complement equivalent of —B. Adding a single LSB is easily
accomplished in hardware by setting the carry-in bit high in the overall adder. Thus,
subtraction requires only a small amount of extra hardware. Finally, if many numbers
are being added using 2’s-complement codes, no overflow hardware is required as
long as the final result is within the digital code range (even if intermediate results go
well out of range). For these reasons, 2’s-complement codes are the most popular rep-
resentation for signed numbers when arithmetic operations are to be performed.

EXAMPLE 11.3

Show that, when adding 2/8, 7/8, and*—3/8 together as 2’s-complement
numbers, the final result is correct although an intermediate result is incorrect.

Solution
The addition of 2/8 and 7/8 is given by
0010 +0111 = 1001 (11.20)

which corresponds to —7/8 (note that this temporary result is two steps past
7/8 when thinking of a 2’s-complement code as being circular). Although this
intermediate result is incorrect since overflow occurred, we simply carry on and
add -3/8 to find the final answer.

1001 + 1101 = 0110 (11.21)

Thus, the final result of 6/8 is correct, although a temporary overflow occurred,
as we just saw,

11.5 PERFORMANCE LIMITATIONS

In this section, some commonly used terms describing the performance of data con-
verters are defined. Before proceeding, definitions are required for determining the
transfer responses of both D/A and A/D converters. The transfer response of a D/A
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converter is defined to be the analog levels that occur for each of the digital input
words. Similarly, the transfer response of an A/D converter can be defined as the mid-
points of the quantization intervals for each of the digital output words. However,
since transitions are easier to measure than midpoint values, A/DD converter errors are
often measured in terms of the analog transition point values, Vi;» and we use that
approach here.

Resolution The resolution of a converter is defined to be the number of distinct
analog levels corresponding to the different digital words. Thus, an N-bit resolution
implies that the converter can resolve 2" distinct analog levels. Resolution is not nec-
essarily an indication of the accuracy of the converter, but instead it usually refers to
the number of digital input or output bits.

Offset and Gain Error In a D/A converter, the offser error, Ey, is defined to be
the output that occurs for the input code that should produce zero output, or mathe-
matically,

VOU‘

LSBlg

(11.22)

Eoff(D/A) =

where the offset error is in units of .SBs. Similarly, for an A/D converter, the offset
error is defined as the deviation of V, , from 1/2 LSB, or mathematically,

Y
0.0 _1yep (11.23)
VLSB 2'

Eof!(A/D) =

The gain error is defined to be the difference at the full-scale value between the ideal
and actual curves when the offset error has been reduced to zero. For a D/A converter,
the gain error, Eg,p, a). in units of LSBs, is given by

Vout Vour N
Egainco/a; = (V"” —V°” J—(z - (11.24)
Lssf; LSBig g
For an A/D converter, the equivalent gain error, Egam( Aspy (in units of LSBs), is
given by

\Y V N

Egaina/ny = ( SR °”'°‘) 2" -2 (11.25)
Vise Viss

Graphical illustrations of gain and offset errors are shown in Fig. 11.9.

Accuracy

The absolute accuracy of a converter is defined to be the difference between the
expected and actual transfer responses. The absolute accuracy includes the offset,
gain, and linearity errors.
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<
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Offset error 3
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Fig. 11.9 Illustrating offset and gain errors for a 2-bit
D/A converter.

The term relative accuracy is sometimes used and is defined to be the accuracy
after the offset and gain errors have been removed. It is also referred to as the maxi-
mum integral nonlinearity error (described shortly) and we will refer to it as such.

Accuracy can be expressed as a percentage error of full-scale value, as the effec-
tive number of bits, or as a fraction of an LSB. For example, a 12-bit accuracy implies
that the converter’s error is less than the full-scale value divided by 2 2

Note that a converter may have 12-bit resolution with only 10-bit accuracy, or
10-bit resolution with 12-bit accuracy. An accuracy greater than the resolution means
that the converter's transfer response is very precisely controlled (better than the
number of bits of resolution).

Integral Nonlinearity (INL) Error After both the offset and gain errors have been
removed, the integral nonlinearity (INL} error is defined to be the deviation from a
straight line. However, what straight line should be used? A conservative measure of
nonlinearity is to use the endpoints of the converter’s transfer response to define the
straight line. An alternative definition is to find the best-fit straight line such that the
maximum difference (or perhaps the mean squared error) is minimized. These two
definitions are illustrated in Fig. 11.10. One should be aware that, in this book, we
define INL values for each digital word (and thus these values can be plotted for a sin-
gle converter), whereas others sometimes define the term “INL” as the maximum
magnitude of the INL values (or equivalently, as the relative accuracy).

Differential Nonlinearity (DNL) Error In an ideal converter, each analog step
size is equal to 1 LSB. In other words, in a D/A converter, each output level is 1 LSB
from adjacent levels, whereas in an A/D, the transition values are precisely 1 LSB
apart. Differential nonlinearity (DNL) is defined as the variation in analog step sizes
away from | LSB (typically, once gain and offset errors have been removed). Thus,
an ideal converter has its maximum differential nonlinearity of O for all digital values,
whereas a converter with a maximum differential nonlinearity of 0.5 LSB has its step
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aut Integral nonlinearity error (best-fit)
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Fig. 11.10 Integral nonlinearity error in a 2-bit D/A con-
verter.

sizes varying from 0.5 LSB to 1.5 LSB. Once again, as in the INL case, we define
DNL values for each digital word, whereas others sometimes refer to DNL as the
maximum magnitude of the DNL values.

Monotonicity A monotonic D/A converter is one in which the output always
increases as the input increases. In other words, the siope of the D/A converter’s
transfer response is of only one sign. i the maximum DNL error is less than 1 LSB,
then a D/A converter is guaranteed to be monotonic. However, many monotonic con-
verters may have a maximum DNL greater than™ LLSB. Similarly, a converter is guar-
anteed to be monotonic if the maximum INL is less than 0.5 LSB.

Missing Codes Although monotonicity is appropriate for D/A converters, the
equivalent term for A/D converters is missing codes. An A/D converter is guaranteed
not to have any missing codes if the maximum DNL error is less than 1 LSB or if the
maximum INL error is less than 0.5 LSB.

A/D Conversion Time and Sampling Rate In an A/D converter, the conversion
time is the time taken for the converter to complete a single measurement including
acquisition time of the input signal. On the other hand, the maximum sampling rate is
the speed at which samples can be continzously converted and is typically the inverse
of the conversion time. However, one should be aware that some converters have a
large latency between the input and the output due to pipelining or multiplexing, vet
they still maintain a high sampling rate. For example, a pipelined 12-bit A/D con-
verter may have a conversion time of 2 ps (i.e., a sampling rate of 500 kHz) vet a
latency from input to output of 24 ls.

D/A Settling Time and Sampling Rate In a D/A converter, the settling time is
defined as the time it takes for the converter to settle to within some specified amount
of the final value (usually 0.5 LSB). The sampling rate is the rate at which samples
can be continuously converted and is typically the inverse of the settling time.
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Sampling-Time Uncertainty Both A/D and D/A converters have limited accuracy
when their sampling instances are ill defined. To quantify this sampling time uncer-
tainty, also known as aperture jitter, for sinusoidal waveforms, consider a full-scale
signal, V,,, applied to an N-bit, signed, A/D converter with frequency f, - Mathemat-
ically,

Vref .
Vin = T sm(ZTEfint) (1126)

Since the rate of change (or slope) of V,, at the peak of a sinusoidal waveform is
small, sampling time uncertainty is less of a problem near the peak values. However,
the maximurm rate of change for this waveform occurs at the zero crossing and can be
found by differentiating V,, with respect to time and setting t = 0. At the zero cross-
ing, we find that

AV
At

max

= Thi Vies (11.27)

If At represents some sampling-time uncertainty, and if we want to keep AV less
than | V| gg, we see that

Viss 1

nfinvref - ZN‘ﬂ:fiﬁ

Al < (11.28)

For example, an 8-bit converter sampling a full-scale 250-MHz sinusoidal signal
must keep its sampling-time uncertainty under 5°ps to maintain 8-bit accuracy. Also,
the same 5-ps time accuracy is required for a 16-bit converter operating on a full-
scale, 1-MHz signal.

Dynamic Range The dynamic range of a converter is usually specified as the ratio
of the rms value of the maximum amplitude input sinusoidal signal to the rms output
noise plus the distortion measured when the same sinusoid is present at the output.
The rms output noise plus distortion is obtained by first eliminating the sinusoid from
the measured output. In a D/A converter, the output sinusoid can be eliminated by
using a spectrum analyzer and ignoring the power at that particular frequency. For an
A/D converter, a similar approach can be taken by using an FFT and eliminating the
fundamental of the output, or a least-mean-squared fit can be used to find the ampli-
tude and phase of a sinusoid at the input signal’s frequency and then subtracting the
best-fit sinusoid from the output signal. Dynamic range can also be expressed as an
effective number of bits using the relationship presented in (11.16).

It should be noted that this approach often results in a dynamic range measure-
ment that is a function of the frequency of the sinusoidal input. Hence, it is a more
realistic way of measuring the performance of a converter than extrapolating the non-
linearity performance found using dc inputs. For example, if an 8-bit, 200-MHz, A/D
converter has a band-limited preamplifier or a slew-rate limited sample and hold, dc
inputs may show full 8-bit performance even at the maximum sample rate of 200
sample/s. However, a high-frequency, sinusoidal input, at, say, 40 MHz, will require
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the input stage to track a rapidly varying signal and may result in only 6-bit perfor-
mance.

Finally, it should be mentioned that the distortion level (or nonlinearity perfor-
mance) of many converlers remains at a fixed level and is not a function of the input
signal level. Thus, as the input signal level is decreased, the signal-to-distortion ratio
decreases. This behavior occurs because the distortion level is often determined by
component matching and thus is fixed once the converter is realized. However, in
some converters, the distortion level decreases as the input signal level is decreased,
which is often a desirable property to have. For example, most 1-bit oversampling
converters have this desirable property since they do not rely on component match-
ing and their distortion level is often a result of weak nonlinear effects at the input
stage.

EXAMPLE 11.4

Consider a 3-bit D/A converter in which V = 4 V, with the following mea-
sured voltage values:

{0.011 : 0.507 : 1.002 : 1.501 : 1.996 : 2.495 : 2.996 : 3.491}

1. Find the offset and gain errors in units of LSBs.

2. Find the INL (endpoint) and DNL errors (in units of LSBs).
3. Find the effective number of bits of abgolute accuracy.

4, Find the effective number of bits of relative accuracy.

Solution
We first note that 1 LSB corresponds to V o/ 2 =05V.

1. Since the offset voltage is 11 mV, and since 0.5 V corresponds to 1 LSB,
we see that the offset error is given by

0.011
Ectipsay = o5 - 0.022 LSB (11.29)

For the gain error, from (11.25) we have

3.491 -0.011

— )—(23 ~1) = —0041SB  (11.30)

Egain(D/A) = (

2. For INL and DNL errors, we first need to remove both offset and gain

errors in the measured D/A values. The offset error is removed by subtract-

ing 0.022 LSB off each value, whereas the gain error is eliminated by sub-

tracting off scaled values of the gain error. For example, the new value for
1.002 (scaled to 1 L§B) is given by

. 2
1.002 -0.022 +(—)(0.04) = 1.993 (11.31)
0.5 7
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Thus, the offset-free, gain-free, scaled values are given by
{0.0:0.998 : 1.993 : 2,997 : 3993 :4.997 : 6.004 : 7.0}

Since these results are in units of LSBs, we calculate the INL errors as the
difference between these values and the ideal values, giving us

INL errors: {0 : —0.002 : —0.007 : —-0.003 : -0.007 : -0.003 : 0.004 : 0}

For DNL errors, we find the difference between adjacent offset-free, gain-
free, scaled values to give

DNL errors: {-0.002 : —0.005 : 0.004 : —-0.004 : 0.004 : 0.007 : -0.004}

3. For absolute accuracy, we find the largest deviation between the measured
values and ideal values, which, in this case, occurs at 0 Vandis 11 mV. To
relate this 11l-mV value to effective bits, 11 mV should correspond to
1 LSB when V ; = 4 V. In other words, we have the relationship

4V
2NEH

which results in an absolute accuracy of N . = 8.5 bits.

=11 mV (11.32)

4, For relative accuracy, we use the INL errors found in part 2, whose maxi-
mum magnitude is 0.007 LSB, or equivalently, 3.5 mV. We relate this
3.5-mV value to effective bits in the same manner as in part 3, resulting in
a relative accuracy of N, = 10.2 bits.

-~

EXAMPLE 11.5

A full-scale sinusoidal waveform is applied to a 12-bit A/D converter, and the
output is digitally analyzed. If the fundamental has a normalized power of 1 W
while the remaining power is 0.5 W'W, what is the effective number of bits for
the converter?

Solution
Using (11.16), we have
SNR = 6.02N,, +1.76 (11.33)
In this case, the signal-to-noise ratio is found to be
1
SNR = IOIOg[—ﬁj = 63 dB (11.34)
0.5x 10"

Substituting this SNR value into (11.33), we find

Ny = 63 =176 _ 0.2 effective bits (11.35)
6.02
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11.7 PROBLEMS

11.1 For an ideal 10-bit, unipolar D/A converter with V| gg = | mV, what is the
largest output voltage?

11.2  What is the SNR for an ideal 12-bit unipolar A/D converter with V4 = 3 V,
when a sinusoidal input of 1 V, is applied? What size input would result in
an SNR of 0 dB?

11.3 Find the equivalent of (11.19) for 2’s-complement coding.

11.4  Show that, by using 4-bit 2’s-complement words, the correct final sum is
obtained when the numbers +5, +5, and -7 are added together while any over-
tflow effects are ignored.

11.5  Starting with two 4-bit 2’s-complement words, we want to add +5 and +7 to
obtain the correct answer of +12 with a 5-bit word. Show how an extra bit can
be added at the left of each of the 4-bit words such that numbers up to 15
can be represented. This approach is called sign extension and can be used to
increase the word size of any number.

11.6 What is the representation of +8 and —8 in 5-bit 2’s complement? Assuming a -
circuit added only one of these two numbers to an arbitrary 5-bit word, show a
simple logic circuit (i.e., nand, nor, xnor, etc.) that would accomplish such an
addition. (Hint: Note that the 4 LSBs in +8 and -8 are all 0 and thus do not
need to be added.)

117 The following measurements are found from a 3-bit unipolar D/A converter
with Vo = 8 V:(-0.01, 1.03, 2.02, 2.96, 3.95, 5.02, 6.00, 7.08). In units of
LSBs, find the offset error. gain error, maximum DNL, and maximum INL.

11.8 How many bits of absolute accuracy does the converter in Problem 11.7
have? How many bits of relative accuracy does it have?

11.9 A 10-bit A/D converter has a reference voltage, V, ., tuned to 10.24 V at
25 °C. Find the maximum allowable temperature coefficient in terms of
{(LV)/°C for the reference voltage if the reference voltage is allowed to
cause a maximum error of (£1/2) LSB over the temperature range of 0 to
50 °C.
11.10¢ Consider the following measured voltage values for a 2-bit D/A with a refer-
ence voltage of 4 V:

{00001V {01102V {10197V} {1302 V)
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In units of LSB, find the offset error, gain error, worst absolute and relative
accuracies, and worst differential nonlinearity. Restate the relative accuracy
in terms of an N-bit accuracy.

11.11 Find the maximum magnitude of quantization error for a 12-bit A/D converter
having V,,; equal to 5 V and 0.5-LSB absolute accuracy.

11.12  What sampling-time uncertainty can be tolerated for a 16-bit A/D converter
operating on an input signal from 0-20 kHz ?
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CHAPTER

12

Nyquist-Rate D/A
Converters

In this chapter, a variety of methods are discussed for realizing integrated Nyquist-rate
digital-to-analog converters (DAC). Nyquist-rate D/A converters can be roughly cate-
gorized into four main types: decoder-based, binary-weighted, thermometer-code, and
hybrid. Oversampling D/A converters are discussed separately in Chapter 14 due to their
importance and because they are best described using many signal processing concepts.

12.1 DECODER-BASED CONVERTERS

Perhaps the most straightforward approach for realizing an N-bit D/A converter is
to create 2" reference signals and pass the appropriate signal to the output, depend-
ing on the digital input word. We refer to such D/A converters as decoder-based
converters.

-

Resistor String Converters

One of the first integrated MOS 8-bit D/A converters was based on selecting one tap
of a segmented resistor string by a switch network [Hamads, 1978}.] The switch net-
work was connected in a tree-like decoder, as in the 3-bit D/A converter shown in
Fig. 12.1. Notice that there will be one, and only one, low-impedance .path between
the resistor string and the input of the buffer, and that path is determined by the digital
input word, B;,. In a CMOS implementation, transmission gates might be used rather
than n-channel switches. However, when only n-channel pass transistors are used, the
transistor-tree decoder can be laid out quite compactly since no contacts are required
in the tree. Also, an n-channel-only approach is not much different in speed than a
CMOS transmission-gate implementation; a transmission-gate approach has extra
drain and source capacitance to ground, but this extra capacitance is offset by the
reduced switch resistance, which is due to the parallel combination of p-channel and
N-channel transistors. In addition, a transmission-gate implementation can operate
closer to the positive voltage supply.

1. In fact, the resistor-string D/A was used to realize an A/D converter in the reference.

463
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Fig. 12.1 Resistor-string 3-bit D/A converter with a fransmission-gate, tree-like decoder.

With a resistor-string approach, if we assume the buffer’s offset voltage does not
depend on its input voltage, the D/A converter has guaranteed monotonicity since any
tap on the resistor string must have a lower voltage than its upper, neighbor tap. Also,
the accuracy of this D/A depends on the matching precision of R in the resistor string.
Although this resistor-matching precision depends on the type of resistors used, the
use of polysilicon resistors that have a resistivity of around 20-30 (ohms per square)
can result in up to 10 bits of accuracy.

The delay through the switch network is the major limitation on speed. However,
in a multiplying D/A, the delay through the resistor string would also be a major
source of delay since V,,; would become a second input signal. A useful technique
for estimating the settling-time behavior in RC type circuits {i.e., circuits that have
only real-axis poles) is the open-circuit time-constant approach {Sedra, 1991]. Spe-
cifically, the dominant high-frequency time constant is estimated as the sum of the
individual time constants due to each of the capacitances when all other capacitances
are set to zero (i.e., replaced with open circuits). To find the individual time constant
for a given capacitance, independent voltage sources are replaced with ground (inde-
pendent current sources are opened), and the resistance seen by that capacitor is
determined.
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i
g 1? 1? :

Fig. 12.2 Estimating the time constant for n resistors and capacitors in series.

EXAMPLE 12.1

Show that an estimate of the time constant for a network of n resistors, each of
size R in series, with capacitive loading C at each node (see Fig. 12.2), is given
by © = RC(n?/2). How much settling time is required for the output to settle to
0.1 percent of its final value?

Solution

The open-circuit time constant due to the first capacitor on the left is simply
RC. The second capacitor from the left has an individual time constant of 2RC
and so on. Thus, the dominant high-frequeney time constant, 7T, is estimated as

= RC(1+2+---+n)

The sum from 1 to N can be shown to be equal to n(n + 1)/2 and, thus, for a
large N, the dominant time constant can be estimated by

e

Using this time constant to estimate the output voltage charging behavior, we
have

Voo = (1 —e'“/”)vp

Thus, for v, to equal 0.999 V, we find that a time of about 7 T is needed.

In a higher-speed implementation, logic can be used for the decoder, and a single
bus is connected to a single resistor-string node, as shown in Fig. 12.3. This approach
takes more area for the decoder and also results in a large capacitive loading on the
single bus because the 2" transistors’ Jjunctions are connected to the bus. However, if
the digital decoder is pipelined, the D/A can be moderately fast.
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Fig. 12.3 Resistor-string 3-bit D/A converter with digital decoding.

Folded Resistor-String Converters

To reduce the amount of digital decoding and large capacitive loading, a folded
resistor-string D/A can be used, as shown in Fig. 12.4 {Abrial, 1988]. This approach
makes the decoding very similar 1o that for a digital memory, which reduces the
total decoding area. To convert a digital input in this 4-bit example, the most signifi-
cant bits, {b, b,}, determine the single word line to be selected (all others will
rematn low). This operation connects a block of four adjacent resistor nodes to the
four-bit lines. One of these bit lines is then connected to the output buffer by the bit-
line decoder. Notice that the total number of transistor junctions on the output line is
now 2@ because a set of transistors is connected directly to the output line and
another set is connected to the chosen bit line. Thus, for a 10-bit converter, this
approach would have a capacitive load of 64 junctions, as opposed to 1,024 junc-
tions when we use the digital-decoding approach shown in Fig. 12.3. Unfortunately,
the increase in speed is not equal to this large ratio since, when a word line goes
high, all the bit lines must be pulled to new voltage levels—not just the one bit line
connected to the output butfer.
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Fig. 12.4 ' A 4-bit folded resistor-string D/A converter.

Multiple R-String Converters

In this variation, a second tapped resistor string is connected between buffers
whose inputs are two adjacent nodes of the first resistor string, as shown in
Fig. 12.5 [Holloway, 1984]. In the shown 6-bit example, the three MSBs determine
which two adjacent nodes of the first resistor string are connected to the two inter-
mediate buffers. The second resistor string linearly interpolates between the two
adjacent voltages from the first resistor string. Finally, the output is determined by
the lower LSBs where extra logic must take into account that sometimes the top
intermediate buffer has the higher voltage, whereas at other times it has the lower
voltage. This approach requires only 2x2V? resistors, making it suitable for
higher-resolution, low-power applications. This approach also has guaranteed mono-
tonicity, assuming the opamps have matched, voltage-insensitive offset voltages.
However, the opamps must be fast and low noise, which can be achieved using a
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Fig. 12.5 Multiple Rstring &-bit D/A converter.

BiCMOS process. Another point to note here is that, since the second resistor
string is used to decode only the lower-order bits, the matching requirements of the
second resistor string are not nearly as severe as those for the first string.

EXAMPLE 12.2

Assume that the first resistor string of a 10-bit, muitiple-R-string, D/A converter
must match to 0.1 percent, and that the first string realizes the top 4 bits. What
is the matching requirement of the second resistor string, which realizes the
lower 6 bits?

Solution

Errors in the first resistor string correspond directly to errors in the overall
D/A output. However, since the second resistor string forms the lower LSB
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bits (6 bits, in this case). errors in the matching of these resistors cause an
error only in the LSB portion of the output voltage. As a result, the second
resistor string need match only to

2°%01% = 1.6% (12.1)

Signed Outputs

In applications where negative output voltages are required, the bottom of the resistor
string can be connected to -V . This requires a negative power supply, and the cir-
cuit needed to realize a dual power supply with exactly matched voltages is nontrivial
since any error in matching will result in an oftfset error. Many papers on D/A convert-
ers assume that —V ., is available but do not explain how it was obtained. If it is
obtained otf chip, the cost is significantly higher. One possibility is to use a switched-
capacitor gain amplitier, as shown in Fig. 12.6, where a negative output can be real-
ized by changing the clock phases of the input switches so an inverting amplifier is
realized {Martin, 1987]. Another possibility is to sense the center tap of the resistor
string and adjust -V to get the center tap voltage equal to zero volts.

12.2 BINARY-SCALED CONVERTERS

The most popular approach for realizing at least some portion of D/A converters is to
combine an appropriate set of signals that are all related in a binary fashion. This
binary array of signals might be currents (in resistor or current approaches), but
binary-weighted arrays of charge are also commonly used. In this section, resistor
approaches are first discussed, followed by charge redistribution and current mode.

b2
Qutput line
b_1 from DACJ_ 1T, 0
o_q.J—L“__l d)T & -I_r

1l

H

H

T
sl

Voul
b - or
o 3
: o_”JL 0—! L— 7Vout
9
TT B

Fig. 12.6 Using an SC gain amplifier to realize a signed output from a unipolar [positive)
DAC output. b, high causes a negative output.
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Binary-Weighted Resistor Converters

Binary-weighted resistor converters are popular for a bipolar technology so that bi-
polar differential pairs can be used for current switches. The basic architecture for a
4-bit converter is shown in Fig. 12.7.

If b, is a 1, then the current to the ith resistor comes from the virtual ground of
the opamp; otherwise, it comes from ground. Therefore, we have

b, b, b
Vout = _RFVref(_ ﬁ - H:Z{ —é - )
R (12.2)
= Evrei Bin
where
B, =b2"+b,27+b,27 + .. (12.3)

Although this approach does not require many resistors or sw1tches it does have
some disadvantages. The resistor and current ratios are on the order of 2™, which may
be large, depending on N. This large current ratio requires that the switches also be
scaled so that equal voltage drops appear across them for widely varying current lev-
els. Also, monotonicity is not guaranteed. Finally, this approach is prone to glitches
for high-speed operation, as discussed on page 474.

Reduced-Resistance-Ratio Ladders

To reduce the large resistor ratios in a binary-weighted array, signals in portions of the
array can be scaled by introducing a series resistor, as shown in Fig. 12.8. Here, note
that the voltage node, V, is equal to one-fourth the reference voltage, V4. as a result
of inserting the series resistor of value 3R. Also note that an additional 4R resistor
was added (to ground) such that resistance seen to the right of the 3R resistor equals

Re

Wy

b, b b, b, =0 Vour

“Vref

Fig. 12.7 Binary-weighted 4-bit resistor D/A converter.
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Fig. 12.8 Reduced-resistance-ratio 4-bit D/A converter,

R. Straightforward analysis shows that this converter has the same relationship to the
binary digital signals as in the previous binary-weighted case, but with one-fourth the
resistance ratio. Note, however, the current ratio has remained unchanged. Finally,
note that, by repeating this procedure recursively to a binary-weighted ladder, one
arrives at a structure commonly referred to as an R-2R ladder, described next.

R-2R-Based Converters

A very popular architecture for D/A converters uses R-2R ladders. These ladders are
useful for realizing binary-weighted currents with a small number of components and
with a resistance ratio of only 2, independent of the number of bits, N.

Consider the R-2R ladder network shown in Fig. 12.9. Analysis gives

R, = 2R
R, = 2RI2R = R

124
R; =R+R, =2R (124)
and so on, Thus, R’ = 2R for all i. This result gives the following current rela-
tionships:
R, R R, R} R, R, R, R,

Fig. 12.9 R-2R resistance ladder.
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I

Il 2R 1_1 2R
' R 2 R

Vrei
= 12.5
' = 3R (12.5)
Also, the voltage at node 2 is one-half the voltage at node 1, giving
\Y
I, = 12,6
ST (12.6)
At node 3, the voltage divides in half once again, therefore
Vet
I, = — 12.7
'~ IR (12.7)

and so on.

Thus, the R-2R ladder can be used to obtain binary-weighted currents while using
only a single-size resistor. (The resistors of size 2R are made out of two resistors of
size R, to improve matching properties.) As a result, this R-2R approach usually gives
both a smaller size and a better accuracy than a binary-sized approach.

A 4-bit D/A converter that uses an R-2R ladder is shown in Fig. 12.10. For this
R-2R -based circuit. we see that

I, = V,ot/(2R) (12.8)

and

N
Vour = RFE

i=1

N
b_ilr = Vre{R—F] E_i (12.9)
2| -1 R -~ 21

However, as already mentioned, although the resistance ratio has been reduced, the
current ratio through the switches is still large, and thus the switch sizes are usually
scaled in size to accommodate the widely varying current levels. One approach to
reduce this current ratio is shown in Fig. 12.11, where equal currents flow through all
the switches. However, this configuration is typically slower since the internal nodes

Re

WA

by b2
I

out

° Wy Wy
Vet <“— <+
I, I,72
Fig. 12.10  4-bit R-2R based D/A converter.
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of the R-2R ladder now exhibit some voltage swings (as opposed to the configuration
in Fig. 12.10 where internal nodes all remain at fixed voltages).

Charge-Redistribution Switched-Capacitor Converters

The basic idea here is to simply replace the input capacitor of an SC gain amplifier by
a programmable capacitor array (PCA) of binary-weighted capacitors, as shown in
Fig. 12.12. As in the SC gain amplifier, the shown circuit is insensitive to opamp
input-offset voltage, 1/f noise, and finite-amplifier gain. Also, an additional sign bit
can be realized by interchanging the clock phases (shown in parentheses) for the input
switches.

It should be mentioned here that, as in the SC gain amplifier, carefully generated
clock waveforms are required to minimize the voltage dependency of clock feed-
through, and a deglitching capacitor should be used. Also, the digital codes should be

Fig. 12.11 R-2R ladder D/A converter with equal currents
through the switches.

16C 4
—F I /0—_L
X . X 0

C.

¢1(92) 1 L 'l‘ 'l‘

o[ =l =] ol %
1[0
oy

Vref

l

Fig. 12,12 Binary-array chargeredistribution D/A converter.

487 of 720




474  Chapter 12 = Nyquist-Rate D/A Converters

changed only when the input side of the capacitors are connected to ground, and thus
the switching time is dependent on the sign bit, which requires some extra digital
complexity.

Current-Mode Converters

Glitches

Current-mode D/A converters are very similar to resistor-based converters, but are
intended for higher-speed applications. The basic idea is to switch currents to either
the output or to ground. as shown in Fig. 12.13. Here, the output current is converted
to a voltage through the use of Rg, and the upper portion of each current source
always remains at ground potential. Implementations of current-mode D/A converters
are more fuily discussed in Section 12.3, where thermometer codes are introduced.

Glitches are a major limitation during high-speed operation for converters that have
digital logic, {b,, b,,...,by}, directly related to switching signals. Glitches are
mainly the result of different delays occurring when switching different signals. For
example, when the digital input code changes from 0111 ... 1to 1000 . .. 0, all of the
N -1 LSBs turn off and the MSB turns on. However, it is possible that the currents
due to the LSB switches will turn off slightly before the MSB current, causing the cur-
rent to temporarily fall to zero. Alternatively. if the LSB switches tum off slightly
after the MSB current, the current will temporarily go to its maximum value. In either
case, a glitch occurs at the output unless these two delays are exactly matched, which
is highly unlikely since the branches have different currents. This glitch phenomenon
is illustrated in Fig. 12.14,

The glitch disturbance can be reduced by limiting the bandwidth (by placing a
capacitor across the resistor R; in Fig. 12.14), but this approach slows down the cir-
cuit. Another approach is to use a sample and hold on the output signal. Finally, the
most popular way to reduce glitches is to modify some or all of the digital word from
a binary code to a thermometer code, as discussed next.

? | LV
b, b2 ba b, out

-5V
Fig. 12.13 Binary-weighted current-mode D/A converter.
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Fig. 12.14  Glitches. I, represents the MSB current, and I, represents the sum
of the N —1 LSB currents. Here, the MSB current turns off slightly eorly, causing
a glitch of zero current.

12,3 THERMOMETER-CODE CONVERTERS

Another method for realizing a I)/A converter is to digitally recode the input value to a
thermometer-code equlvalent A thermometer code differs from a binary one in that a
thermometer code has 2™ - 1 digital inputs to represent 2N different digital values.
Clearly, a thermometer code is not a mmlmal representation since a binary code requires
only N digital inputs to represent N input values. However, as we will see, a
thermometer-based converter does have advantages over its binary counterpart, such as
low DNL errors, guaranteed monotonicity, and reduced glitching noise.

Typically, in a thermometer-code representation, the number of 1s represents the
decimal value. For example, with a 3-bit binary input, the decimal value 4 is binary
coded as 100 while its thermometer equivalent is 0001111. The codes for the remain-
ing values in this 3-bit example are shown in Table 12.1,

One method to realize a D/A converter with the use of a thermometer-code input
is to build 2™ — 1 equal-sized resistors and switches attached to the virtual ground of
an opamp, as shown in Fig. 12.15. Note that monotonicity is guaranteed here since,

Table 12.1 Thermometer-code representations for 3-bit binary values

Binary Thermometer Code

Decilhal bl b2 b3 dl dz d3 d4 ds dﬁ d7
0 0 0 0 0 0 0 0 0 0 0
| 0 0 1 0 0 0 0 0 0 1
2 G 1 0 0 0 0 0 0 1 1
3 0 1 1 0 0 0 0 1 | l
4 1 0 0 0 0 0 1 | 1 1
5 1 0 1 0 0 1 1 1 1 1
6 1 1 0 0 1 1 | 1 1 1
7 1 1 1 1 1 1 1 1 ] 1
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when the binary input changes to the next higher number, one more digital value in
the thermometer code goes high, causing additional current to be drawn out of the vir-
tual ground and forces the opamp output to go some amount higher (never lower).
This is not necessarily the case for a binary-array D/A converter since mismatches
between elements may cause the output to go lower even though the digital input
value is increased. It should be noted that this mismatch effect is usually the largest in
a binary-array converter when the MSB is changed, resulting in the largest DNL at
this location.

Perhaps more importantly, a D/A converter based on a thermometer code
greatly minimizes glitches, as compared to binary-array approaches, since banks of
resistors are never exchanged at slightly different times when the output should
change by only 1 LSB. It should also be mentioned here that laiches can be used in
the binary-to-thermometer code conversion such that no glitches occur in the digital
thermometer-code words and pipelining can be also used to maintain a high
throughput speed.

It is also of interest to note that the use of a thermometer code does not
increase the size of the analog circuitry compared to a binary-weighted approach.
In a 3-bit binary-weighted approach, the resistor values of R, 2R, and 4R are
needed for a total resistance of 7R. This total value is the same as for the 3-bit
thermometer-code approach shown in Fig. 12.15, and since resistors are created on
an integrated circuit using area that is proportional to their size, each approach
requires the same area (ignoring interconnect). The same argument can be used to
show that the total area required by the transistor switches is the same since tran-
sistors are usually size-scaled in binary-weighted designs to account for the vari-
ous current densities. All transistor switches in a thermometer-code approach are
of equal sizes since they all pass equal currents. Finally, it should be mentioned
that a thermometer-code charge-redistribution D/A can also be realized, as shown
in Fig. 12.16.

b, b, by
v v v

Binary-to-thermometer code conversion

v ¥ ¥ v ¥y v ¥ A

d d, d; ds ds ds dy Wy

dy d, d;

Lo ™ ™

Avrei
Fig. 12.15 A 3-bit thermometer-based D/A converter.
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Fig. 12.16 Thermometer<ode charge-redistribution D/A converter.

Thermometer-Code Current-Mode D/A Converters

A thermometer-code-based current-mode D/A converter, shown in Fig. 12.17, has
been the basis for a variety of designs (see, for example, [Miki, 1986; Chi, 1986;
and Letham, 1987]). Here, thermometer-code decoders are used for both the row
and column decoders, resulting in inherent monotonicity and good DNL errors.
Current is switched to the output when both row and column lines for a cell are
high. Also, in high-speed applications, the output feeds directly into an off-chip 50-
2 or 75-Q resistor, rather than an output opamp. Note that cascode current sources
are used here to reduce current-source variation due to voltage changes in the out-
put signal, V.
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All current sources
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Fig. 12.17 Thermometer-code currentmode D/A converter. Q4 and Q form the current
switch, whereas Q4 and Q implement a cascode current source.

I

Note the need here for precisely timed edges of d; and d,. If both logic levels are
high simultaneously, V,,, is shorted to ground. If both logic levels are low at the
same time, the drain of Q, is pulled low and the circuit takes longer to respond. To
avoid the use of two logic driving levels, the gate of Q, should be connected to a dc
bias voltage, as described in the next approach.

Single-Supply Positive-Output Converters

The architecture for a fast single-supply positive-output D/A (often used in video
RAMs, which are known as RAMDACS) is shown in Fig. 12.18 [Colles, 1988]. Here,
a matched feedback loop is used to set up accurate known current-source biasing.
{(Note that the opamp input connections appear reversed but are correct due to signal
inversion by Q,.) Also, to maintain accurate current matching that is independent of
Vout» One side of each differential current-steering pair is connected to Vy,, rather
than to the inversion of the bit signal. For example, when the current is steered to the
output through Q,, the drain-source voltage across the current source, Q,, remains
mostly constant if V,,, stays near zero, such that Q, remains in the active region.
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Fig. 12.18 A single-supply positiveoutput D/A converter.

Thus, Q, and Q effectively form a cascode current source when they drive current to
the output.

To maximize speed in this converter, the voltage swing at the common connections
of the current switches (for example, Q,, Q;, and Q;) should be small. To keep this
swing small, this common connection should be at a voltage where the output transistors
are just turned off when the current is steered to ground. It should also be noted that when
a switch is turning on or off, the switching feedthrough from the digital input connected
to the grounding transistor (for example, Q,) actually enhances the switching. Finally,
note that this design does not use two logic driving signals, d; and d,, and can therefore
be clocked at the maximum rate without the need for precisely timed edges.

Dynamically Matched Current Sources

The use of dynamic techniques with current switching is a method for realizing very
well-matched current sources (up to 16-bit accuracy) for audio-frequency D/A con-
verters [Schouwenaars, 1988].

This approach was used to design a 16-bit audio-frequency D/A converter, where
the 6 MSB were realized using a thermometer code. Since the accuracy requirements
are reduced for the remaining bits, a binary array was used in their implementation.
The basic idea for realizing 63 accurately matched current sources for the 6 MSBs is
illustrated in Fig. 12.19. Here, we want to set all the currents 1,; to the same precise
value, independent of transistor mismatches and charge injection. To accomplish this
high degree of matching, each current source 1 is periodically calibrated with the
use of a single reference current source, I o, through the use of the shift register. In
other words, once calibration is accomplished on 1, the same current source, Lreg, I8
used to set the next current source, Iy,, to the same value as I, and so on. Before
proceeding to see how this calibration is accomplished, it is worth mentioning that the
values of Ly; need not precisely equal I,o; but do need to accurately match each other.
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Fig. 12.19 Dynamically matching current scurces for 6 MSB.

Therefore, any common errors in the calibration stage are not a problem. Also, note
that 64 current sources are calibrated, even thoygh only 63 are required for the 6
MSB. This extra current source is needed so that the ID/A converter can continuously
operate, even when one of the current sources is being calibrated.

The method for calibrating and using one of the current scurces is shown in
Fig. 12.20, for I4,. During calibration, the current source is connected to the reference
current I, while Q, is configured in a diode-connected mode. This places whatever
voltage is necessary across the parasitic Cgyg so that Iy, equals I,o¢. When S is
opened, I, remains nearly equal to I, assuming the drain-source voltage of Q,
doesn’t change and the clock feedthrough and charge injection of S, are small. Dur-
ing regular system use, the gate voltage (and therefore current} is determined by the
voltage stored on the parasitic capacitance, Cgs.

A major limitation in matching the 64 current sources is due to the differences in
clock feedthrough and charge injection of the switches §;. Since mismatches will
always exist between different switches, the best way to keep all current sources equal
is to minimize the total amount of clock feedthrough and charge injection. These non-
ideal effects can be minimized by having the capacitance Cyg and bias voltage Vgg
large. (A large V55 voltage implies that a small voltage difference will cause a smaller
current deviation.) To accomplish these requirements, the current source 0.9 ,; was
addedin parallelto Q,.sothat Q, needsonlytosourceacurrentnear 0.11 ;. Withsuch
an arrangement, a large, low-transconductance device can be used (a W/L = 1/8 might
be used).

Finally, each current source must be recalibrated before the leakage currents (on
the order of 10 [:LAJ’p.m2 of junction area) on Cgyq cause the current source to deviate

494 of 720




12.4  Hybrid Converters 481

[
¢ Lo Lias | ¢ Lout
$

/%,

Id1 7 ¢ Idl

1

Sy
L—Tt Q4 0.91,4 —JwTiO1 0.91,
Cgs I =

Ire1

CgSI = —

Calibration Regular usage

Fig. 12.20 Dynomically setting a current source, I, .

by 0.5LSB. Fortunately, having a large Cgg and Vgg has the added benefit of
extending this calibration interval {(every 1.7 ms in [Schouwenaars, 1988]).

Many other additional details are described in [Schouwenaars, 1988]. For exam-
ple, during calibration, a p-channel-input common-gate amplifier is added to the
diode-connected loop. This is typically done in dynamic switched-current circuits to
control the drain-source voltage of Q, (i.e., to keep it constant independent of the
actual current and to keep it matched to its value during regular use) and to speed up
the circuit by decreasing the effect of parasitic capacitances on the large I, bus. Also,
dummy switches are connected to S, to help minimize clock feedthrough by partially
cancelling the charge injected.

The converter in [Schouwenaars, 1988] achieves 0.0025 percent distortion, 92 dB
S/(N+D), 94 db S5/N, and only dissipated 20 mW. The converter could also be run using
only a 3-V power supply. The clocking frequency is limited to 44 kHz by the digital
audio application. No mention is made on the upper limit of the clocking frequency.

12.4 HYBRID CONVERTERS

Combining the techniques discussed in Sections 12.1-12.3 for realizing different por-
tions of a D/A converter results in hybrid designs. Hybrid designs are an extremely
popular approach for designing converters because they combine the advantages of
different approaches. For example, it is quite common to use a thermometer-code
approach for the top few MSBs while using a binary-scaled technique for the lower
L.SBs. In this way, glitching is significantly reduced and accuracy is high for the MSB
where it is needed most. However, in the LSBs where glitching and accuracy require-
ments are much reduced, valuable circuit area is saved with a binary-scaled approach.
This section discusses some useful hybrid designs.
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Resistor-Capacitor Hybrid Converters
It is possible to combine tapped resistor strings with switched-capacitor techniques in
a number of different ways. In one approach, an SC binary-weighted I)/A converter
has its capacitors connected to adjacent nodes of a resistor-string D/A converter, as

shown in Fig. 12.21 [Yang, 1989]. Here, the top 7 bits determine which pair of volt-
ages across a single resistor is passed on to the 8-bit capacitor array. For example, if

¢AB CAB = 128C CC = 2560
. i L 1 b4
B =
B < Sios 04 0 \ 1
¥ 90 2 ¢, -256C | %2
*r_‘k M = b
CH _l: ! i

4

b———— 0 Vou

-+

N
o

@0 Cawo=¢C

o—AlA
¥

&
U

N

—y

B OF Og;

Il a——— A
¥

7 bits 8 bits

Fig. 12.21 One example of a 15-bit resistor-capacitor hybrid D/A converter.
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the top 7 bits are 0000001, then switches S, and S, would be closed, while the other
S, switches would remain open. The capacitor array then performs an 8-bit interpola-
tion between the pair of voltages by connecting the capacitors associated with a 1 (o
the higher voltage and the capacitors associated with a 0 to the lower voltage. This
approach gives guaranieed monotonicity, assuming the capacitor array is accurate to
only 8 bits. The converter in [ Yang, 1989] has 15-bit monotonicity, without trimming,
and 100-kHz sampling frequencies for a very-low-power 10-mW realization.

Segmented Converters

Segmented converters have probably become the most popular design approach for
D/A converters [Schoeff, 1979; Grebene, 1984: Schouwenaars, 1988]. A 6-bit seg-
mented D/A converter is shown in Fig. 12.22. In this approach, the two MSB currents
are obtained in one segment from three equal current sources using thermometer cod-
ing. High bits are switched to the output, whereas low bits are switched to ground. As
discussed in Section 12.3, the use of a thermometer code for the MSB currents greatly
minimizes glitches. For the four L.SBs, one additional current source from the MSB

My

R/2

VO ut

V+ t 1'[.': :H JII'|.: lt | Current divider
ref

o |
3
-

H_/ A J
Vss Y

2 MS8Bs 4-bitbinary LSB segment

Fig. 12.22 A 6-bit segmented D/A converter.
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segment is diverted where it is divided into binary-weighted currents, which are also
switched to either ground or the output. Although this four-LSB segment is not guar-
anteed to be monotonic, its accuracy requirements are very relaxed, since it is used
only for the LSBs,
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12.6 PROBLEMS

12.1 Derive an expression for the number of switches in a general N-bit resistor-
string YA converter similar to that shown in Fig. 12.1.

12.2  Assume that an 8-bit resistor-string D/A converter with digital decoding (see
Fig. 12.3) has a total resistor-string resistance of 400 Q, that its pass transis-
tors have an on resistance of 400 €, and that the drain-source capacitances to

498 of 720




12.6  Problems 485

ground of its pass transistors are 0.1 pF. Ignoring all other effects and using
the open-circuit time-constant approach, estimate the worst-case settling time
to 0.1 percent.

12.3 Derive an expression for the number of switches in an N-bit folded resistor-
string D/A converter similar to that shown in Fig. 12.4 (Assume N is even).

12.4  Assume that the first resistor string of a 10-bit multiple-R-string D/A con-
verter must match to 0.1 percent whereas the second string must match to
1.6 percent since the converters realize the top 4 bits and lower 6 bits, respec-
tively. For V 5y = 5 V, how much offsets in the opamps can be tolerated?

12.5 For a binary-weighted 10-bit resistor D/A converter (see Fig. 12.7), assume
that Rg is chosen such that the output goes from 0 to V,oi— V| gg. What is
the resistor ratio between the largest and smallest resistors? What is the ratio
between the currents through the switches for b, and b,,?

12,6 It is desired to realize a binary-weighted 4-bit resistor D/A converter, as
shown in Fig. 12.7, that must be linear to 10 bits. Ignoring all other nonideali-
ties except for resistance mismatch error, what percentage matching accuracy
is required for each of the b, — b, resistors relative to the b, resistor?

12.7 Consider an 8-bit D/A converter built using binary-weighted capacitors,
where capacitor tolerances are +0.5 percent. What would be the worst-case
differential nonlinearity in units of LSBs, and at what transition does it
occur?

12.8 Consider the reduced-resistance-ratio approach shown in Fig. 12.8, where a
single series resistor is applied to an N-bit converter, and where N is an even
number. What is the improvement in the resistance ratio compared to using all
binary-scaled resistances?

12,9 Draw the circuit for a reduced-resistance-ratio 8-bit D/A converter (see

Fig. 12.8), where a resistor is inserted between b, and bs. Ignoring Ry, what
is the resistance spread? Now draw a similar circuit, but add resistors between
b, and b, as well as between b, and b,. What is this circuit’s resistance
spread?

12,10 Assuming all the switches in Fig. P12.10 are MOSFETS and are scaled so that
each has 100 mV across the drain source when on (including s,, which
always remains on), show that no accuracy is lost.

12.11 For the 4-bit R-2R-ladder D/A converter shown in Fig. P12.10, what is the
output error (in LSBs) when R, = 2.01Rg? What is the cutput error when
Re = 2.01R?

12.12 Show that the D/A converter circuit shown in Fig. 12.11 operates correctly.
Estimate the speed of this circuit if the opamp has infinite bandwidth,
R = 10 k€, and all nodes have a capacitance of 0.5 pF to ground.

12.13 Consider the D/A converter shown in Fig. 12,11, where I = 1 mA ,
R; = 2 kQ and R = 10 kQ. If this converter is perfectly linear but is found
to have an offset error of 0.15LSB and a gain error of 0.2LSB, find the out-
put levels for the inputs b, b,b,b, equal to 0000, 1000, and 1111.
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Fig. P12.10

12.14 A 12-bit binary-weighted D/A converter produces a glitch voltage of
0.5 V when the MSB is changed. What is the glitch voltage reduced to if a
thermometer-code approach is used for the top 4 bits, whereas binary-
weighting is used for the remaining 8 bits?

12.15 For the circuit in Fig. 12.17, sketch a typical waveform that would occur on
the node connecting Q,, Q,, and Q, when the code signals, d; and d,, are
nonoverlapping. Repeat this sketch if the code signals are overlapping.
Assume the code signals have logic swings from 0 to -5 V and that the thresh-
old voltage for the transistors equals 1 V.

12.16 For the circuit in Fig. 12.18, sketch a typical waveform that would occur on
the node connecting Q,, Q,, and Q; when the code signal, d;, goes low-to-
high and high-to-low. Assume here that the code signal has a logic swing of 0
to 5 V, that the threshold voltage for the transistors equals -1 V, and that
Vipias 18 1 V.

12.17 A D/A converter is realized using dynamically matched current sources, as
shown in Fig. 12.20. Assuming all the transistors are ideal, find W/L for the
Q, neededtoset Vgg = 3 V when I,y = 50 pA, Vy = 1 V,and p,C;, =
92 A/ V7. If switch S, causes a random charge injection voltage of 1 mV,
what is the expected percentage of random variation of the current being held
on Q,?

12.18 Repeat Problem 12.17 if the design does not incorporate the 0.91, extra cur-
rent source (i.e., if Q, must be the source for all of L)
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Architectures for realizing analog-to-digital converters (ADC) can be roughly divided
into three categories (Table 13.1)—low-to-medium speed, medium speed, and high
speed. In this chapter, design details are discussed for these different approaches
except for oversampling converters. Oversampling converters are best described using
many signal processing concepts and are therefore discussed separately in Chapter 14.

Before proceeding, it should be noted that when discussing the design of A/D
converters, we usually ignore the (.5 LSB offset present in the A/D transfer charac-
teristic. Such a simplification is made so as not to complicate the concepts presented.

13.1 INTEGRATING CONVERTERS

Integrating A/D converters is a popular approach for realizing high-accuracy data
conversion on very slow-moving signals. These types of converters have very low
offset and gain errors in addition to being highly linear. A further advantage of inte-
grating converters is the small amount of circuitry required in their implementation.
One application that has traditionally made use of integrating converters is measure-
ment instruments such as voltage or current meters.

A simplified diagram for a dual-slope integrating converter is shown in Fig. 13.1.
Dual-slope refers to this converter performing its conversion in two phases, (I) and
(II), in the following manner (Fig. 13.2):

Phase (I) Phase (I) is a fixed time interval of length T, determined by running the
counter for 2N clock cycles. Thus, we have

T, = 2T, (13.1)

Table 13.1 Different A/D converter architectures

Low-to-Medium Speed, Medium Speed, High Speed,
High Accuracy Medium Acecuracy Low-to-Medium Accuracy
Integrating Successive approximation  Flash
Oversampling Algorithmic Two-step
Interpolating
Folding
Pipelined

Time-interleaved

487
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Fig. 13.1 integrating {dual slope} A/D converter.

where T, is the period for one clock cycle. During this interval, switch S, is con-
nected to —V;, such that V, ramps up proportional to the magnitude of V;,. Assum-
ing V, is initially equal to zero (due to a pulse on S,), we have the following
relationship for V,:

t(=Vin) Vin

dr =
"R,C, © RC,

Thus, at the end of phase (I), the value of V, is equal to V. T,/R,C,.

Vi) = -

t (13.2)

Phase (II) Phase (II) occurs for a variable amount of time, T,, as shown in Fig. 13.2
for three different input voltages. At the beginning of this phase, the counter is reset
and switch S is connected to V 4, resulting in a constant slope for the decaying volt-
age at V,. To obtain the digital output value, the counter simply counts until V, is
less than zero, at which point that count value equals the digitized value of the input

Ve &
‘VinS

Phase (I) Phase (II)

(Constant siope)

<> Time

-

T, (Three values for three inputs)

Fig. 13.2 Operation of the integrafing converter for three different input voltages.
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signal, V;,. Thus, assuming the digital output count is normalized so that the largest
count is unity, the counter output, B, ,, can be defined to be
Bout = b2 +b,2 7 4w by 27N Vi py2™ (13.3)
and we have
N N-1 N-2 .
T2 = 2 BOLﬂTclk = (b12 +b22 + - +bN—12+bN)TC|k (13.4)

To see why this count gives the correct value, we find the equation for V, during
phase (1I) to be given by

t V,
Vit = _ITIR é’ d1+V (T,

(13.5)
_ ‘Vref(t_.r ) |nT1
RiC, " R,
Since V, equals zero when t = T, + T,, we can write
VT, Vi T
- ref 2+ in*1 (13.6)
R,C, R(C,
and thus T, is related to T, by the following relationship:
T,=T, Vin (13.7)
erf -
Combining (13.7) with (13.1) and (13.4), we find
V.
Bou = b, 27 +b,27 44 by 27N V2™ = \-,'_“ (13.8)
ref

as expected.

From (13.8), we see that by going to a dual-slope conversion (i.e., two phases),
the digital output does not depend on the time constant, R,C,. In fact, the value of
this time constant need only be stable during a single conversion for proper operation.
However, R, and C, should be chosen such that a reasonable large peak value of V,
is obtained without clipping to reduce noise effects. If instead of dual-slope, a single-
slope conversion was used, then a gain error would most likely eccur, and this error
would be a function of the time-constant value, R, C,.

Although a dual-slope converter does not suffer from gain error, it can have an
offset error due to opamp offset and other factors. Such an offset error can be cali-
brated out by going to a quad-slope conversion. In a quad-siope conversion, a dual-
slope conversion is performed twice, once with the input connected to ground and
then with the input connected to the signal to be converted. A subtraction of the two
output words causes the offset error to be reduced to zere.

The conversion speed for these types of converters is quite slow. For example,
in a dual-slope converter, the worst-case conversion speed occurs when V;, equals
V,:. In this case, the number of clock cycles to perform a conversion is 2N+ !, Thus
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for a 16-bit converter with a clock frequency equal to | MHz, the worst-case con-
version rate is around 7.6 Hz.

Finally, it should be mentioned that by a careful choice for T, certain frequency
components superimposed on the input signal can be significantly attenuated. For
example, if the input signal, V.. is a dc level with power line noise of 60 Hz superim-
posed on it, choosing T, equal to an integer multiple of 16.67 ms filters out the power
line noise. To see why this filtering effect occurs, we write V;; as

Vin = Vingdean + Yincso ) (13.9)
where Vi igean 15 the desired dc level and Vi, 4 1, 18 the interfering 60 Hz noise: or
mathematically,

Vineoy = A sin(120nt + ¢) (13.10)

where A and ¢ are arbitrary magnitude and phase values. Now substituting this rela-
tionship for V,, into (13.2), we have

T(-Vin) _ITl(_Vin(ideaIJ)dT_jT'(_Vin(CiUHZ))

dr =
°» R,C, R,C, o TRC,

However, the last term in (13.11) can be shown to equal zero when T, is an integer mul-
tiple of 1/(60 Hz) (i.e., 16.67 ms). In this way, the peak value, V(T ,). remains correct
so that the conversion is performed without error. Note that for this same value of T,
the harmonics of 60 Hz are also suppressed {i.e., 120 Hz, 180 Hz, 240 Hz, etc.). In fact,
other frequencies are also attenuated but not fully suppressed as are the harmonics of 60
Hz. To quantify the filtering effect, we note that this converter effectively “integrates
and dumps” the input signal. Such an integrating-then-reset behavior results in the
impulse response of this converter being a square pulse of length T . Since the Fourier
transform of a square pulse is a “sin(X)/X” type response, we have an effective input fil-
ter, as shown in Fig. 13.3. Here we have assumed that T, = 1/(60 Hz), resulting in a
filter transfer function, H(f), being given by

sin(nfT))
(nfT))

V(T) = - dt  (13.11)

HH| = (13.12)

Note that higher frequencies are attenuated more and that full suppression is achieved
at harmonics of 60 Hz, as expected.

EXAMPLE 13.1

It is desired to build a 16-bit two-slope integrating A/D such that a maxi-
mum input signal of V;, = 3 V results in the peak voitage of V, being 4 V.
In addition, input noise signals at 50 Hz and harmonics should be signifi-
cantly attenuated. Find the required RC time constant and clock rate. Also,
find the attenuation of a noise signal around | kHz superimposed on the
input signal.
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Fig. 13.3 Magnitude response of the effective input filter for an integrating-fype con-
verter with T, = 1/(60 Hz),

Solution
Since 50 Hz and harmonics are to be rejected, we choose

1

T, = — = 20ms 13.13
1= 5 X ( )
Thus, for a 16-bit converter, we require a clock frequency of
12
‘ T T,

To find the RC time constant needed, we note that at the end of phase (1),
V, is given by

_ VT,

V, = 13.15
“R.C, ( )

and using the valuesof V, = 4V, V;, = 3 V,and T, = 20 ms results in
R,Cl = 15 ms (13.16)

Finally, the attenuation of a 1-kHz signal is infinite since it is a harmonic
of 50 kHz. However, as seen in (13.12), attenuation is reduced halfway
between harmonics, so we find the gain for an input signal at 975 Hz to be

|H(f)i — Sin(ﬂ: x 975 Hz x 20 mS) = 16.3% 10’3 (1317)
T X 975 Hz x 20 ms

which implies the attenuation is 36 dB.
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13.2 SUCCESSIVE-APPROXIMATION CONVERTERS

Successive-approximation A/D converters are one of the most popular approaches for
realizing A/D converters due to their reasonably quick conversion time, yet moderate
circuit complexity. To understand the basic operation of successive-approximation
converters, knowledge of the search algorithm referred to as a “binary search” is help-
ful. As an example of a binary search, consider the game of guessing a random num-
ber from 1 to 128 where one can ask only questions that have a “yes/no” response.
The first question might be, “Is the number greater than 647" If the answer is yes, then
the second question asks whether the number is greater than 96. However, if the first
+ answer is no, then the second question asks whether the number is greater than 32.

¢ Signed input

Sample Vinr VYpa =0, i=1

No

Vi = Vpa t+ Vrai/2i . Vom = Vpa— (Vref/2i " 1)

|

Yes

Stop

Fig. 13.4 Flow graph for the successive-approximation approach.
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o—Pp | Successive-approximation register
SH (SAR) and control logic

b1f bzI """"" bN * Bout

‘ D/A converter
Vosa [ V

Fig. 13.5 D/A converter-based successive-approximation converter.

The third question divides the search space in two once again and the process is
repeated until the random number is determined. In general, a binary search divides
the search space in two each time, and the desired data can be found in N steps for a
set of organized data of size 2N,

Successive-approximation converters apply a binary search algorithm to deter-
mine the closest digital word to match an input signal. Specifically, in the first period,
after possibly the reset period, the MSB, b, is determined. In the second period, the
next bit, b,, is determined, followed by b, and so on until all N bits are determined.
Thus, in its most straightforward implementation, a successive-approximation con-
verter requires N clock cycles to complete an N-bit conversion. A flow graph for a
signed conversion using a successive-approximation approach is shown in Fig. 13.4.
Here, the signed output is in offset-binary coding and the input signal is assumed to be
within £0.5 V. The flow graph for a unipolar conversion is only slightly different
and is left as an exercise for the reader,

DAC-Based Successive Approximation

The block diagram for a enipolar successive-approximation A/D converter that uses a
DAC is shown in Fig. 13.5. The successive-approximation register (SAR) and control
logic are entirely digital and perform the necessary binary search. At the end of the
conversion, the digital value in the SAR results in the voltage V,, being within
0.5 V| gg of the input signal. With this type of architecture, the D/A converter typi-
cally determines the accuracy and speed of the A/D converter. Note that a sample and
hold-is required at the input so that the value to be converted does not change during
the conversion time.

EXAMPLE 13.2

Consider the case where V¢ = 8 V, V;, = 2.831 V, and a 3-bit conversion is
performed. Find intermediate D/A values and the final output.
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Solution
In this case, V g = 1.0 V.

Incycle 1: B, = 100 sothat Vy,, = 4.0 V. Since V;,, < Vp,a, by isset
to 0.

Incycle 2: By, = 010 sothat V,, = 2.0 V. Since Vi, > V4, b, 15 set
to 1,

Incycle 3: B,,, = 011 sothat Vj,, = 3.0 V. Since V,, <Vp,, by issel
to 0.

Therefore, the resulting output is the last value of B,,. which is 010.
Although the final quantization error is 0.831 V| gp, it is greater than £0.5 V| gg
because we have not accounted for the (.5 LSB offset as discussed at the begin-
ning of this chapter.

Unipolar Charge-Redistribution A/D

The straightforward approach of using a separate D/A converter and setting it equal to
the input voltage (within one LSB} can be modified to the flow graph shown in
Fig. 13.6. Here, the error signal V equals the difference between the input signal, V;,,
and the /A output, Vp;x. As aresult, V is always compared to ground, as seen at the
top of the flow graph. and the goal is to set this error difference with one LSB of zero.

One of the first switched-capacitor analog systems using this approach is a
charge-redistribution MOS A/D converter [Mc€reary, 1975]. With such a converter,
the sample and hold, D/A converter, and the difference portion of the comparator are
all combined into a single circuit. The unipolar case is shown in Fig. 13.7 and oper-
ates as follows:

L. Sample mode: In the first step, all the capacitors are charged to V,;, while
the comparator is being reset to its threshold voltage through §,, In this
step, note that the capacitor array is performing the sample-and-hold
operation.

2. Hold mode: Next, the comparator is taken out of reset by opening S,, and
then all the capacitors are switched to ground. This causes V,, which was
originally zero, to change to —V,,,, thereby holding the input signal, V,,, on
the capacitor array. (This step is sometimes merged with the first bit time
during bit cycling). Finally, s, is switched so that V ; can be applied to
the capacitor array during bit cycling.

3. Bir cycling: Next, the largest capacitor (i.e., the 16C capacitor in this
example} is switched to V ;. V, now goes to (-V, +V /2). If V, is
negative, then V,, is greater than V.72, and the MSB capacitor is left
connected to V. Also b, is considered to be a 1. Otherwise, the MSB
capacitor is reconnected to ground and b, is taken to be 0. This process is
repeated N times, with a smaller capacitor being switched each time, until
the conversion is finished.
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Fig. 13.6 Flow graph for a modified successive approximation
{divided remainder).

To get an exact division by two, note that an addmona] unit capacltor of size
C has been added so that the total capacitance is 2 NC rather than " - 1)C.
Also, the capacitor bottom plates should be connected to the V. side, not to the
comparator side, to minimize the parasitic capacitance at node V,. Although para-
sitic capacitance at V, does not cause any conversion errors with an ideal compara-
tor, it does attenuate the voltage V,.

A signed A/D conversion can be realized by adding a -V, input. If V, is less
than zero at the first step, then proceed as in the unipolar case using V4. Otherwise,
if V, is greater than zero, use -V .; and test for V, greater than zero when deciding
whether to leave the capacitors connected to —V,,; or not at each bit cycling.
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Fig. 13.7 A 5bit unipolar charge-redistribution A/D converter,
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EXAMPLE 13.3

Find intermediate node voltages at V, during the operation of the 5-bit charge-
redistribution converter shown in Fig. 13.7 when V,, = 1.23V and V,, =
5 V. Assume a parasitic capacitance of 8C exists on the node at V,.

Solution

First, V, = 0 during sample mode. Next, during hold mode, all capacitors are
switched and the charge on V, is shared between the 32C total converter
capacitance and the parasitic 8C capacitance, resulting in

32
= — X —Vi =-0984V 13.18
X 32+8 " (1519

During the first bit cycling, b, is switched, resulting in

V, = -0.984+i—gx5 ¥V =1016V (13.19)

Since this result is greater than zero, switch b, is reversed back to ground and
V, returns to —0.984 V. Thus, b; = 0.
Next, b, is switched, and we have

8
V, = 0984 + 20 X5V =00l6V (13.20)
It is also greater than zero, so b, = 0, and V, is set back to —-0.984 V by
switching b, back to ground.
When b, is next switched, we have

V, = -0.984 + % x5 =-0484V {13.21)
Since this result is less than zero, by = 1, and switch b, is left connected to
Vref‘
Next, b, is switched, resulting in
2
V, = -0.484 + 0 x5 =-0234V (13.22)

which is also less than zero, so b, = 1, and this switch is left connected to V ;.
Finally, b is switched, resulting in

1
V, = —0.234+&—6x5 =-0.109 V (13.23)

which is also less than zero, so by = 1.
Therefore, the output is given by B, = 00111 uand voliage V, is within a
V| gg of ground (V gg = 5/32 V).
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Signed Charge-Redistribution A/D with a Single Reference Voltage

The same structure as the unipolar case can be used to realize a signed A/D conver-
sion while using only a single V ¢ if a slightly modified switching arrangement is
used. Referring to Fig. 13.8, and assuming V;, is between =V /2, the conversion
proceeds as follows:

1. Sample mode: In the first step, all the capacitors, except for the largest
capacitor, are charged to V,;, while the comparator is being reset to its
threshold voltage. For the signed case, the largest capacitor is now con-
nected to V72,

2. Hold mode: Next, the comparator is first taken out of reset, and then all the
capacitors, except the largest one, are switched to ground. This causes V,,
which was originally zero, to change to -V,./2. At the end of this step, the
sign of the input signal is determined by looking at the comparator output.

3. Bit cycling: Next, the largest capacitor (i.e., the 16C capacitor in this exam-
ple) is switched to ground if, and only if, V, is larger than zero (i.e., when
V., is less than zero). Specifically, if V, is less than zero. then V,, is posi-
tive and b, is set to 1, and conversion proceeds as in the unipolar case,
starting with b, until conversion is completed. However, if V, is larger
than zero, b, is set to 0, the largest capacitor is switched to ground, causing
V, to become -V,./2 -V /4 (which is a negative value), and conver-
sion proceeds as in the unipolar case, starting with b,. Once conversion is
completed, some digital recoding may.be required to obtain the desired out-
put code.

This approach for realizing signed A/Ds has the disadvantage that V,, has been
attenuated by a factor of two, which makes noise more of a problem for high-resolution
A/Ds. Also, any error in the MSB capacitor now causes both an offset and a sign-
dependent gain error. The latter causes integral nonlinearity errors.

Resistor-Capacitor Hybrid

A combination of the resistor-string and capacitor-array approaches in a hybrid A/D
converter, similar to the hybrid D/A converter [Fotouhi, 1979], is shown in Fig. 13.9.

The first step is to charge all the capacitors to V;,, while the comparator is being
reset. Next, a successive-approximation conversion is performed to find the two adja-
cent resistor nodes that have voltages larger and smaller than V;,. One bus will be
connected to one node while the other is connected to the other node. All of the capac-
itors are connected to the bus having the lower voltage. A successive approximation
using the capacitor-array network is then done. Starting with the largest capacitor, a
capacitor is swilched to the adjacent resistor-string node having a larger voltage. If the
comparator output is a 1, it is switched back and b, is a 0. Otherwise, the switch is left
as is and b; is a 1. Since the resistor string is monotonic, this type of converter is
guaranteed monotonic if the capacitor array is monotonic.
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Fig. 13.8 A 5-bit signed charge-redistribution A/D converter.
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Fig. 13.9 Resistorcapacitor hybrid A/D converter.

Charge-Redistribution with Error Correction

With the best matching accuracy of on-chip elements being about 0.1 percent, one is
limited to successive-approximation converters having 10-bit accuracy specifications
without some sort of calibration. One error-correction technique that has been used to
obtain 16-bit linear converters is shown in Fig. 13.10 {Lee, 1984]. In this approach,
the MSB array is realized using binary-weighted capacitors that determine, for exam-
ple, the first 10 bits. For a 16-bit converter, the final 6 bits are determined using an
additional capacitor and a resistor string referred to as a sub-dac. Although this com-
bination of an MSB capacitor array and an 1.SB resistor string is not inherently mono-
tonic, it can be easily autocalibrated at start-up by adding a second resistor string
referred to as a cal-dac.

Calibration is done by measuring the errors of each capacitor, starting with the
largest capacitor, calculating the correction terms required, and then storing the cor-
rection terms in a data register as DV;. During a regular successive approximation
operation, whenever a particular capacitor is used, its error is cancelled by adding the
value stored in the data register to that stored in an accumulator register, which con-
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Fig. 13.10 A charge-redistribution A/D converter with error correction.

tains the sum of the correction terms for all of the other capacitors currently connected
to V. No correction terms are measured for the resistor sub-dac; its accuracy is not
critical since it only determines the remaining LSBs.

The error terms are found starting with the MSB capacitor, C,. It is connected to
ground and all of the other capacitors are connected to V ,; while the comparator is
reset. Next, the comparator is taken out of reset mode, all of the other capacitors are
switched to ground, and C, is switched to V ;. Defining C,y,,, to be the sum of all
the capacitors in the array, the ideal value of C, is Cyy,,/ 2. However, in practice C,
varies from its ideal value, and thus, C, can be written as

C, = (Ca/2) +AC, (13.24)

where AC, is the capacitance error (either positive or negative). As a result, the sim-
plified model shown in Fig. 13.11(a) occurs after the switches are reversed. Here, the
remaining capacitance equals (Cy,.1/2) — AC, to make the total capacitance correct.
With the above switch operation. V, would remain zero if AC, equals zero. How-
ever, when AC, is not zero, the resulting voltage. V,, is twice the error voltage,
defined as V,,, that would be introduced during a normal successive approximation
when C, alone is switched to V 4. A digital representation of V. defined as DV,,,
1s obtained by doing a successive approximation using the cal-dac shown in
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Fig. 13.11 Equivalent models for determining copacitance errors. {a) During calibration for
C, . (b} During calibration for C, .

Fig. 13.10 and then dividing the resulting digital value by 2 to obtain DVg,. This digi-
tal correction term, DV, is stored in the data register for use during regular conver-
sion,

To obtain the similar correction term for C,, defined as DV,,, the model in
Fig. 13.11(b) is used. Here, the switch procedure is to always leave the b, switch
grounded while the comparator is reset, the b, switch is grounded, and the remaining
switches b, _y, Sy are connected to V. Next, the b, and b, _y, Sy switches are all
reversed (i.e., b, set to V o and the others grounded). Note, however, that even if
AC, equals zero, the measured value of V, will be equivalent to -DV,, since —AC,
is assumed to be part of C; yg. Therefore, the error voltage that would be due only to
C, can be calculated by digitizing V,, as before, but then subtracting off DV, using
digital circuitry. Mathematically,

DV, = 5(DVy = DVy) (13.25)

A similar procedure is used for the other capacitors. Specifically, DV,; is found
by connecting all capacitors smaller than C; to V,, and connecting C; and all larger
capacitors to ground while the comparator is reset. Next, the comparator is taken out
of reset mode, all capacitors smaller than C; are switched to ground, C; is switched
to V... and all capacitors larger than C, are left connected to ground. DV,; is then
found using the cal-dac and successive approximation. DV, is finally calculated
using the formula

i-1
i
DV, = E[Dvxi- zovej] (13.26)

j=1

and stored in the ith word of the data register.
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. During a regular conversion, normal successive approximation is performed with
the MSB capacitor array; however, appropriate correction voltages are either added or
subtracted using the cal-dac and Cyg capacitor. The proper correction voltage is
determined through the use of a digital accumulator that stores the sum of all digital
errors of those MSB capacitors deemed to be a 1 (i.e., connected to V). In other
words, when the ith bit is being tested, DV; is added to the digital accumulator that is
driving the cal-dac. If the ith bit is determined to be a 0, then the digital accumulator
returns to its previous value; otherwise, it maintains its new accumulated value.
Finally, normal successive approximation is performed using the sub-dac to deter-
mine the final LSBs. With this approach, a digital addition must be performed during
each bit cycle, and a small amount of digital RAM is required (10 bytes in the case of
a 10-bit MSB array).

Finally, it should be mentioned that similar error correction techniques have also
been described to account for capacitor inaccuracies (for example, [Tan, 1990]).

Speed Estimate for Charge-Redistribution Converters

The major limitation on speed with charge redistribution converters is often due to the
RC time constants of the capacitor array and switches. To estimate this time, consider
the simplified model of a capacitor array being reset, as shown in Fig. 13.12. Here,
R, R, and Ry, represent the switch-on resistances of the bit line, s1 and s2
switches, respectively. Although this circuit is easily simulated using Spice to find its
settling time, it is useful to have a rough estimate of the charging time to speed up the
design process. As in Section 12.1, the open-circuit time constant approach [Sedra,
1991] can be used to obtain an estimate of the high-frequency time constant by sum-
ming individual time constants due to each capacitor. For exampie, the individual
time constant due to the capacitance 2C equals (Ry, + R + R,,)2C. Following such

Rq2

%

Fig. 13.12 Simplified model of a capacitor array during the sam-
pling time.

2C C C
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an approach, the open-circuit time constant for the circuit shown in Fig. 13.12 is equal

to
Toq = (R + R+ R:)2C (13.27)
For better than 0.5-LSB accuracy, we need
_ I
e g oy (13.28)

where T is the charging time. This equation can be simplified to
T>Teq(N+1) In(2) = 0.69(N + 1)1, (13.29)

It has been observed that (13.29) gives results about 30 percent higher than those
obtained by simulating the actual RC network shown in Fig. 13.12. So while (13.29)
can be used to roughly determine the maximum sampling rate, the final design should
be simulated using accurate transistor models. Finaily, although this result is not the
same for all charge-redistribution A/D converters (for example, the size of the
switches going to the larger capacitors may be increased to reduce their on resistance),
the basic approach can be modified for most charge-redistribution A/D converters.

13.3 ALGORITHMIC {OR CYCLIC) A/D CONVERTER

An algonthmic converter operates in much the same way as a successive-approximation
converter. However, whereas a successive-approximation converter halves the reference
voltage in each cycle, an algorithmic converter doubles the error voltage while leaving
the reference voltage unchanged. The flow graph for a signed algorithmic conversion is
showninFig. 13.13.

Ratio-Independent Algorithmic Converter

The block diagram for an algorithmic converter is shown in Fig, 13.14 [McCharles,
1977; Li, 1984]. This converter requires a small amount of analog circuitry because it
repeatedly uses the same circuitry to perform its conversion cyclically in time.

One of the difficulties in realizing a high-precision algorithmic converter is build-
ing an accurate multiply-by-two gain amp. Fortunately, it is possible to realize the
gain amp so that it does not rely on any capacitor matching if four clock cycles are
taken for the multiply-by-two operation. The operation of the multiply-by-two gain
amp is shown in Fig. 13.15. Although this gain-amp circuitry is shown using single-
ended circuits for simplicity, fully differential circuits are normally used.

The basic idea of this gain amp is to sample the input signal twice using the same
capacitor. During the second sampling, the charge from the first capacitor is stored on
a second capacitor whose size is unimportant. After the second sampling, both
charges are recombined into the first capacitor which is then connected between the
opamp input and output,
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EXAMPLE 13.4

Consider the muitiply-by-two gain circuitry shown in Fig. 13.15. Assuming the
opamp has an input offset designated as Vg, find the values of V,, V., and
V1 at the end of each of the phases shown.

Solufion

During phase one, the opamp output, V., is connected to the negative opamp
input, resulting in

Vour = Vst (13.30)

and the voltages across the two capacitors are
Vo, = Ve = Vg (13.31)
Ver = 0=V = -V (13.32)

At the end of phase two, we have
Ver = 0-Vgy = -V (13.33}
implying that its charge change was

AQc, = C (Vo -V~ (V) = C V., (13.34)

Ali this charge is placed on C,, resulting in

C -
Ve, = = Vi + {C—‘]ve,, (13.35)
and Vo, = (C,/C,)Ve,.
At the end of phase three, V., remains unchanged since one side of it has
been opened. Also, V¢, = V-V, and V,, = Vyy as in phase one.
Finally, at the end of phase four, C, is discharged to the same value it had
in phase 1, resulting in V-, = -V, and its change in charge being

o

C
AQCZ = CZ(C_}}VEH = Clverr (13.36)

All of this charge is placed back on C|, resulting in
VC] =2 VerrﬁVoff (1337)

and the output voltage being the desired result of V,,; = 2 V,,,. Note that this
final result is independent of the sizes of C|, C,, and the offset value, V .

13.4 FLASH {OR PARALLEL) CONVERTERS

Flash converters are the standard approach for realizing very-high-speed converters,
' as seen in some recent publications [Peetz, 1986; Yoshii, 1987; Hotta, 1987, and
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" Gendai, 1991]. The input signal in a flash converter is fed to 2N comparators in paral-
lel, as shown in Fig. 13.16. Each comparator is also connected to a different node of a
resistor string. Any comparator connected to a resistor string node where V; is larger
than V;, will have a 1 output while those connected to nodes with V; less than V,
will have 0 outputs. Such an output code word is commonly referred to as a thermom- f
eter code since it looks quite similar to the mercury bar in a thermometer. Note that
the top and bottom resistors in the resistor string have been chosen to create the
0.5 LSB offset in an A/D converter.  §

The NAND gate that has a 0 input connected to its inverting input and a | input con-
nected to its noninverting input detects the transition of the comparator outputs from Is
to 0s, and will have a 0 output. All other NAND-gate outputs will be 1, resulting in sim-
pler encoding. It also allows for error detection by checking for more than one 0 output,
which occurs during a bubble error (see the next subsection) and, perhaps, error cor-
rection.

Flash A/Ds are fast but they require a large number of comparators, which typi-
cally take up a large area and are very power hungry—especially when they are

Vref
R Vin o
2 >—0—0 Over range
R ~ -

% Vr? >_$
c E b D

@N-1)to N N digital

R Vi >—< encoder Outputs
e s D
R T~

FIS D

Fig. 13.16 A 3-bit flash A/D converter.
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Fig. 13.17 A clocked CMOS comparator.

clocked fast. One way to realize a small clocked CMOS comparator is by using a
CMOS inverter, as shown in Fig. 13.17 [Dingwall, 1979].

When ¢ is high, the inverter is set to its bistable operating point, where its input
voltage equals its output voltage (i.e., its threshold voltage). Normally with an odd
number of inverters, a ring oscillator is formed; however, in the case of a single
CMOS inverter, the inverter operates as a single stage opamp with only one pole (no
nondominant poles), so stability is guaranteed. With this inverter set to its threshold
voltage, the other side of C is charged to V ;. When ¢ goes low, the inverter is free to
fall either high or low depending on its input voltage. At the same time, the other side
of C is pulled to the input voltage, V;,. Since the inverter side of the capacitor is
floating, C must keep its original charge, and therefore the inverter’s input will
change by the voltage difference between V,; and V. Since the inverter’s input was
at its bistable point, the difference between V; and V,, will determine which direc-
tion the inverter's output will fall. However, it should be mentioned that this simple
comparator suffers from poor power supply rejection, which is often a critical design
specification in fast converters, Using fully differential inverters helps alleviate this
shortcoming.

Issues in Designing Flash A/D Converters

We discuss here some important design issues that should be addressed when building
high-speed flash A/T) converters.

Input Capacitive Loading The large number of comparators comnected to Vi,
results in a large parasitic load at the node V. Such a large capacitive load often lim-
its the speed of the flash converter and usually requires a strong and power-hungry
buffer to drive V;,. We shall see that this large capacitive loading can be reduced by
going to an interpolating architecture.

Resistor-String Bowing The input currents of bipolar comparators cause errors in
the voltages of the nodes of the resistor string. These errors usually necessitate the
bias current in the resistor string being two orders of magnitude greater than the input

523 of 720




510  Chapter 13 ¢ Nyquist-Rate A/D Converters

currents of the comparators. However, these errors are greatest at the center node of
the resistor string and thus considerable improvement can be obtained by using addi-
tional circuitry to force the center tap voltage to be correct.

Comparator Latch-to-Track Delay Another consideration that is often over-
looked is the time it takes a comparator latch to come from latch mode to track mode
when a small input signal of the opposite polarity from the previous period is present.
This time can be minimized by keeping the time constants of the internal nodes of the
latch as small as possible. This is sometimes achieved by keeping the gain of the
latches small, perhaps only two to four. In some cases, the differential internal nodes
might be shorted together temporarily just after latch time.

Signal and/or Clock Delay Even very small differences in the arrival of clock or
input signals at the different comparators can cause errors. To see this, consider a
250-MHz, 1-V peak-input sinusoid. This signal has a maximum slope of 1570 V/us
at the zero crossing. If this signal is being encoded by an 8-bit A/D converter with
Vet = 2 V (ie., the sinusoid covers the whole range), then it would only take 5 ps
to change through 1 LSB. This time is roughly about the same time it takes a signal
to propagate 500 ptm in metal interconnect. If there is clock skew between compara-
tors greater than this, the converter will have more than 1 LSB error. One means of
easing this problem is to precede the converter by a sample-and-hold circuit. How-
ever, high-speed sample-and-hold circuits can be more difficult to realize than the
flash converter itself. In addition, the clock and V;, should be routed together with
the delays matched [Gendai, 1991]. It should also be noted that the delay differences
may not be caused just by routing differences, but could also be caused by different
capacitive loads, or by phase differences between the comparator preamplifiers at
high frequencies.

Substrate and Power-Supply Noise For V,,; = 2 V and an 3-bit converter, only
7.8 mV of noise injection would cause a 1 LSB error. Typically, on an integrated cir-
cuit having a clock signal in the tens of MHz, it is difficult to keep power-supply noise
below a few tenths of a volt. This power-supply noise can easily couple through the
circuitry or substrate, resulting in errors. To minimize this problem, the clocks must
be shielded from the substrate and from analog circuitry. Also, running differential
clocks closely together will help prevent the signals being coupled into the substrate
or through the air. Also, analog power supplies should be separated from digital
power supplies including having analog power to the comparator preamps while using
digital power to the latch stages. On-chip power-supply bypassing is a necessity. It is
also necessary to make sure the power-supply bypassing circuitry doesn’t form a res-
onant circuit with the bonding wires—include small resistors in series with the by-
pass capacitors.

Bubble Error Removal The outputs of the comparators should be a thermometer
code with a single tramsition. However, sometimes a lone 1 will occur within the
string of Os (or a 0 within the string of 1s) due to comparator metastability, noise,
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cross talk, limited bandwidth, etc. These bubbles usually occur near the transition
point of the thermometer code. Fortunately, these bubbles can usnally be removed
with little extra complexity by replacing the two-input NAND gates shown in
Fig. 13.16 with three-input NAND gates, as shown as shown in Fig. 13.18 [Steyaert,
1993]. With this modification, there must now be two 1s immediately above a 0 in
determining the transition point in the thermometer code. However, this circuit will
not eliminate the problem of a stray 0 being two places away from the transition point,
which may cause a large decoding error. Another digital approach for reducing the
effect of bubble errors is to allow bubble errors in the lower 2 LSBs but have the
remaining MSBs determined by looking for transitions between every fourth compar-
ator [Gendai, 1991]. With this approach, bubble errors that occur within four places of
the transition point do not cause any large errors. An alternate approach to reduce the
effect of distant bubble errors is to create two encoders (one AND type and one OR
type) rather than a single encoder [Ito, 1994]. When an unexpected output pattern
occurs at the NAND outputs, the errors in two different encoders tend to be equal in
magnitude but oppostite in sign. Thus, the final output is taken as the average of the
two encoder outputs, which is performed by adding the two outputs and dropping the
LSB (to divide by two).

An alternate method to remove bubble errors that does not increase the power dis-
sipation is shown in Fig. 13.19. Here, extra transistors have been added to the inputs
of the slave latches, which are driven by the comparator master latches [van Valburg,
1992]. These extra transistors make the value stored in a slave latch not just a function
of its master latch, but also a function of the two adjacent master latches. If a bubble
occurs, the outputs from the two adjacent master latches are the same, but different
from the center master latch. In this case, the values from the adjacent master latches
overrule the center master latch. Note that with this approach, the power dissipation is
not increased because the added transistors make use of existing current in the slave
latch. Alternatively, this same voting scheme can be implemented entirely in digital

(2N_1) to N N dlgltal

_j} encoder outputs

Fig. 13.18 Using three-input NAND gates to remove single bubble errors.




512 Chaopter 13 » NyquistRate A/D Converters
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Fig. 13.19 Bubbleerror voting circuit that does not increase the power dissipation.

i Flashback An additional source of error is flashback. Flashback is caused by
: latched comparators, which are almost always used. When clocked comparators are
switched from track to latch mode, or vice-versa, there is major charge glitch at the
inputs to the latch. If there is no preamplifier, this will cause major errors due to
the unmatched impedances at the comparator 'i-nputs (one input goes to the resistor

::ff_g 17 TJ

13 T
] ST T e
?? v Y b g PP

Continuous-time preamp

I,

~
Track and latch

Fig. 13.20 Clocked comparator with @ preamplitier to reduce flashback.
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string—the other to the input signal). To minimize this effect, most modern
comparators have one or two stages of continuous-time buffering and/or preamplifi-
cation. For example, a commonly used comparator is shown in Fig. 13.20. Notice
that it has a buffer, a low-gain preamp, and another buffer before the track-and-
latch circuitry. Also notice that in the positive feedback latch the feedback is taken
from the emitter-follower outputs, which minimizes the capacitances of the internal
nodes of the latch.

Another technique sometimes used to minimize the effects of flashback is to match
the input impedances as much as is possible. For example, it is possible to implement
a second matched resistor string, with the nodes of the comparators that were originally
connected to V,, now being connected to it, and the end nodes of the string connected
together to V. This approach matches impedances and also minimizes the resistor-
string bowing due to the comparator input currents. Unfortunately, it does result in dif-
ferent delays for V,, reaching the various comparators, and unless these are matched
to the routing of the clock signals, these different delays may not be tolerable.

13.5 TWO-STEP A/D CONVERTERS

Fig. 13.21

Two-step (or subranging) converters are currently the most popular approach for
high-speed medium-accuracy A/D converters. This popularity is due to several advan-
tages they have over their flash counterparts. Specifically, two-step converters require
less silicon area, dissipate less power, have less capacitive loading, and the voltages
the comparators need to resolve are less stringent Than for flash equivalents. How-
ever, two-step converters do have a larger latency delay, although their throughput
approaches that of flash converters.

The block diagram for a two-step converter is shown in Fig. 13.21. The operation
of this two-step converter is as follows. The 4-bit MSB A/D determines the first four
MSBs. To determine the remaining LSBs, the quantization error is found by reconvert-
ing the 4-bit digital signal to an analog value using the 4-bit D/A and subtracting that

4-bit .__I\ A-bit 4-bit
MSB D/A LSB
A/D A/D
Gain amp r
First 4 bits Lower 4 bits
(by, by, b, by) (bs, bg, b7, bg)

An 8-bit two-step A/D converter.
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value from the input signal. To ease the requirements in the circuitry for finding the
remaining L5Bs, the quantization error is first multiplied by 16 using the gain ampli-
fier, and the L.SBs are determined using the 4-bit L§B A/D. With this approach, rather
than requiring 256 comparators as in an 8-bit flash converter, only 32 comparators are
required for a two-step A/D converter. However, this straightforward approach would
require all components to be at least 8-bit accurate. To significantly ease the accuracy
requirements of the 4-bit MSB A/D converter, digital error correction is commonly
used and is discussed next.

Digital Error Correction

The block diagram for a two-step converter with digital error correction is shown in
Fig. 13.22. Although the second sample and hold (S/H,) is not necessary, its purpose
is to allow the first 8/H,; to sample a new input signal before the gain amplifier has
finished settling. However, the first S/H, is critical and its performance often limits
the overall linearity. The reason for digital error correction is to significantly ease the
requirements placed on the 4-bit MSB A/D converter. Without error correction, this
first A/I> converter needs to be at least 8-bit accurate. However, with error correction,
the requirements on this MSB A/D converter are that it need only be 4-bit accurate.
To see how this correction works and why a second-stage 5-bit converter is needed
(rather than 4-bit), consider the quantization error that occurs in an ideal converter.
Defining V| gg = Vre1/28 {i.e., always relative to 8-bit accuracy), we have for an

S/H,

_(8-bit accurate}

4-bit ;
—l\ 4-bit
MSB

Vin 0 SH, D/A
a0 A Y]

Gain amp

S/H,

(8-hit accurate) (5-bit accurate})

(8-bit accurate)

(4-bit accurate)
5 bits

J\ Error l 5-bit

1 A correction LSB

4 bits AD
! | (5-bit accurate)

8 bits

Digital delay

Fig. 13.22 An 8-bit two-step A/D converter with digital error correction.
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ideal 8-bit converter,
1 1
VrefBDUt = Vin+Vq where _EVLSB<Vq < EVLSB (]338)

However, for a nonideal 8-bit converter with an absolute accuracy of (.5 LSB, we
have

vre'Both - ViJ"I +Vq Where "VLSB<Vq<VLSB (1339)

In other words, the maximum quantization signal is now twice that of the ideal case.
Similarly, for an ideal 4-bit A/D converter, we have (keeping the 8-bit definition
of VLSB)’

VrEfBOUt = Vin + Vq where _SVLSB < Vq < SVLSB (1340)

Thus in the ideal case, the value of Vq can be determined (to 8-bit accuracy)
using a 4-bit A/D converter since V, must be within 16V, g5. However, for the
nonideal case where the 4-bit MSB flash converter has an absolute accuracy of
8V gg. the quantization error, V. is now bounded within 32V, gg. Thus, in the
case of a non-ideal 4-bit MSB converter, a 5-bit LSB converter must be used; oth-
erwise V may go out of range. Note that the gain amplifier of 8 is used to
amplify the quantization error back to maximum signal levels to ease the require-
ments of the 5-bit LSB converter. Finally, to determine V. we see that the digital
value of V has been found to within 05V g5 and the digital value of V, is
known to the same accuracy since we assumed the D/A converter to be 8-bit accu-
rate (and the digital word applied to the D/A converter is known). Therefore, we
find V;, from the relation

Vin—V; =V, (13.41)

Specifically, V,, is found by properly combining the digital equivalents of V,
and V.

In summary, the MSB A/D need only be accurate to 1/2%=1/16. The only compo-
nents that need 0.5 LSB accuracy at the 8-bit level are S/Hs 1 and 2, the D/A, and the
subtraction circuit. Besides the difficulty in realizing the S/H circuits, another major
limitation is the difficulty of designing a high-speed, accurate (to 0.5 LSB at the 5-bit
level) gain amplifier. In fact, due to difficulties in realizing high-speed circuits with
gain, often fewer bits are determined in the first stage of a two-step converter to
reduce the amplification required. For a more detailed treatment of a two-step A/D
converter, the reader is referred to a 10-bit 75 MHz implementation (with integrated
S/H}, described in [Petschacher, 1990].

EXAMPLE 13.5

For the two-step 8-bit A/D converter shown in Fig. 13.22, what is the maximum
voltage range at V; when the converter’s full-scale input is 2.5 V in the case
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where the 4-bit MSB A/D converter is (a) 8-bit accurate and (b) 4-bit accurate?
Assume all other components are ideal.

Solution

With a full-scale peak-to-peak input voltage of 5V applied to an 8-bit A/D
converter, we have

Vies = % = 195 mV (13.42)

For an ideal 4-bit A/D converter, we have from (13.40) the maximum voltage
range of V is 16V gg. or equivalently, 312 mV,

(a) If we go to the trouble to make the 4-bit A/D converter have an absolute
accuracy of 0.5V, gg (i.e., 8-bit accurate), then V; becomes bounded between
18.5V gg. In other words, the maximum range of V, would now be 17V gg,
or equivalently, 332 mV. Note that the input range of the LSB converter is
8x332mV = 2.7V (a little more than half of the input range of the overall
converter), s0 more gain could be used in this case.

(b) In the case of a 4-bit accurate MSB converter, Vq 15 bounded between
+16V, gg, implying that the maximum range of V is 32 V| gg, or equivalently,
618 mV. After the gain of 8, the input range of the LSB converter becomes
8x618 mV = 4.9 V (the same as the input range of the overall converter).

13.6 INTERPOLATING A/D CONVERTERS

Interpolating converters make use of input amplifiers, as shown in Fig. 13.23. These
input amplifiers behave as linear amplifiers near their threshold voltages but are
allowed to saturate once their differential inputs become moderately large. As a
result, noncritical latches need only determine the sign of the amplifier outputs since
the differences between the input signal and threshold voltages have been amplified.
Also, the number of input amplifiers attached to V;, is significantly reduced by
interpolating between adjacent outpuis of these amplifiers. While this approach is
often combined with a “folding” architecture [van de Grift, 1987; van Valburg,
1992], the interpolating architecture has also been used quite successfully by itself
[Goodenough, 1989; Steyaert, 1993].

To further understand this interpolation approach, some possible signals for the
input-amplifier outputs, V| and V,, as well as their interpolated values are shown in
Fig. 13.24. As can be seen in the figure, the logic levels are assumed to be zero and
five volts, with the input comparators having a maximum gain of about —10. Also,
here the fatch threshold is near the midpoint of the two logic levels (or about 2.5
volts). As V;, increases, the latch for V| is first triggered, followed by V,, and so on
until V,. As a result, more reference levels have been created between V, and V,. It
should be noted here that for good linearity, the interpolated signals need only cross
the latch threshold at the correct points, while the rest of the interpolated signals
responses are of secondary importance. One way to create such correct crossing
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Fig. 13.25 Adding series resistors to equalize
delay times to the latch comparators.

points is to ensure that V, and V, are linear between their own thresholds. In
Fig. 13.24, this linear region corresponds to 0.25 <V, < 0.5.

For fast operation, it is important that the delays to each of the latches are made to
equal each other as much as possible. Since the latch comparators have similar input
capacitances associated with them, the delays can be made nearly equal by adding
extra series resistors, as shown in Fig. 13.25. These series resistors equalize the
impedances seen by each latch comparator looking back into the resistive string,
assuming the input-amplifier outputs are low impedance [van de Plassche, 1988].

As mentioned earlier, the main benefit of an interpolating architecture is the
reduction in the number of differential pairs attached to the input signal, V;,. Such a
reduction results in a lower input capacitance (which is quite high for a flash con-
verter), a slightly reduced power dissipation, and a lower number of accurate reference
voltages that need to be created. Finally, it should be mentioned that circuit techniques
other than resistive strings can be used to realize this interpolative approach. In
{Steyaert, 1993}, current mirrors were used to interpolate eight times between compar-
ators, resulting in a 100-MHz 8-bit A/D converter realized with a 1.5-pum CMOS pro-
cess. In another implementation, two stages of interpolation using capacitors to
'[ interpolate resulted in a 10-bit 20-MHz A/D low-power converter [Kusumoto, 1993].

EXAMPLE 13.6

Using current mirrors, show how one can interpolate two current outputs, I, and
I,, by three. What reduction in input capacitance of the converter would be
expected over a traditional flash architecture?

Solution

If interpolating by three, it is desired to create two new currents, I,,, I, such
that
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(Relative width sizing shown}
(All lengths same)

Fig. 13.26 Interpolating by three between two current outputs.

2 1

IZa = '3“11 +SIZ (1343)
1 2

Izb = §I| +§IZ (1344)

These output currents can be realized as shown in Fig. 13.26. These four cur-
rents can be converted back to voltages to send to the latches. Alternatively, the
currents can be directly sent to latches which make use of current inputs.

Since we are interpolating by three here, this converter would require one-
third the number of input amplifiers in relation to a traditional flash converter.
Thus, the input capacitance for this interpolated approach would be one-third of
that for a flash.

13.7 FOLDING A/D CONVERTERS

We just saw that the number of input amplifiers can be reduced through the use of an
interpolating architecture. However, the number of latch comparators remains at N
for an N-bit converter. This large number of latch comparators can be significantly
reduced through the use of a folding architecture. A folding A/D converter is similar
in operation to a two-step {or subranging) converter in that a group of LSBs are found
separately from a group of MSBs. However, whereas a two-step converter requires an
accurate D/A converter, a folding converter determines the LSB set more directly
through the use of analog preprocessing while the MSB set is determined at the same
fime.

As an example, consider the 4-bit folding converter shown in Fig. 13.27, Defin-
ing the folding rate to be the number of output transitions for a single folding block as
Vi, is swept over its input range, we see that the folding rate here is four. This folding
rate determines how many bits are required in the MSB converter, The operation of
this converter is as follows. The MSB converter determines whether the input signal,
V. is in one of four voltage regions (i.e., between 0 and 1/4, 1/4 and 1/2, 1/2 and 3/4,
or 3/4 and 1). Although the MSB converter is shown separately, these bits are usually
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Fig. 13.27 A 4bit folding A/D converter with a folding rate of four. (The MSB converter would usually
be realized by combining some folding block signals.)

determined by combining appropriate signals within the folding blocks. To determine
the 2 LSBs, V| to V, produce a thermometer code for each of the four MSB regions.
‘Note, however, that the four LSB latches are also used for different MSB regions and
the thermometer code is inverted when V,, is between either 1/4 and 1/2 or 3/4 and 1.
For example, as V,,, increases from 0 to 1/4, the thermometer code changes as 0000,
0001, 00t1, 0111, 1111. However, as V,, continues to increase to 1/2, the code
changes as 1110, 1100, 1000, 0000. Also, note that latch comparators can be used for
the LSB set since the transitions are amplified by the folding blocks. In summary,
folding reduces the number of latich comparators needed as compared to a flash con-
verter. For example, in a flash 4-bit converter, 16 latches would be required whereas
only eight are needed in the 4-bit folding example of Fig. 13.27. Specifically, four
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Fig. 13.28 A folding block with o folding-rate of four. (g} A possible single-ended cir-
cuit reglization; (b} inputoutput response.

latches are used for the MSB converter and the other four are shown cxphcltly In
general, the savings can be greater (see Problem 13.21).

The felding blocks can be realized using cross-coupled differential pairs, as seen
in the simplified bipolar circuit shown in Fig. 13.28. Here, four sets of differential-
pair transistors are connected in such a way as to realize the input-output response
shown in Fig. 13.28(b). The output signal V,,, is related to the voltages V, and V,
in an “or” type fashion. In other words, V; is low only if both V, and V,, are low;
otherwise, V,, is high. With regard to the behavior of V, and V,, note that V,
remains low whenever V,, is less than V, or greater than V. However, V, remains
low whenever V,, is greater than V|, or less than V,,. Also, the cross coupling of
adjacent differential pairs causes V, to go high when V;, is between V|, and V,,,
while V, goes high when V,, is between V; and V,,. Such behaviors for V, and V,
give rise to the folding output for V,, as shown.

Some points worth mentioning here are that for full-scale input signals, the output
signal from a folding block is at a much higher frequency than the input signal. In
fact, the frequency of the folding block’s output signal is equal to the multiplication of
the frequency of the input signal times the folding rate. This multiplying effect limits
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the practical folding rate used in high-speed converters. Also, it should be mentioned
that the circuit shown is a single-ended version, and differential circuits are almost
always used in practical implementations.

Another point to noie here is that while the folding approach reduces the number
of laich comparators, a large input capacitance similar to that for a flash converter is
also present with the folding circuit shown. In fact, flash converters have similar input
stages of differential pairs of transistors for each comparator, but they are, of course,
not cross coupled. Since the number of differential pairs in each folding block equals
the folding rate, and the input signal goes to one side of each differential palr it can be
shown that the number of transistors driven by the input signal equals 2 N_the same
number as for a flash converter. To reduce this large input capacitance, folding con-
verters also make use of an interpolating architecture, With an interpolate-by-two

o D
2-bit !
MSB A/D
converter — b, Folding-block responses
Vref =1V 1 V's
vV (Volts) Threshold
_ 1V p——
Va4 oMWy Latch
R 0 Vin
=0 4 8 12 1
2R 16 16 16 (Volts)
A
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" Folding
block Lateh ™ pigital
TT T logic
Vv 3 ? 11 15
17 116" 16" 16" 16| 2R
V34 Latch
e
) V,
Folding
Ed il Vy

V. = 15 9 13
16’ 16" 16' 16
Fig. 13.29 A 4-bit folding A/D converter with a folding rate of four and an interpolate-by-two. (The MSB
converter would usually be realized by combining some folding-block signals.)
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technique applied to the 4-bit example, the resulting architecture would be that shown
in Fig. 13.29. Note that a new inverted signal \74 is required to connect the top fold-
ing block to the bottom one. Although the creation of this inverted signal is needed in

: a single-ended verston, no extra circuitry is required in a differential version since it

P can be accomplished by simply cross-coupling the differential output wires.

4 In [van Valburg, 1992], in order to realize a very-high-speed 8-bit converter, four
folding blocks each with a folding rate of eight were used. Assuming V ;= 1V,
then the difference between reference voltages of adjacent inputs of a folding block
was 1/8 V. Each adjacent folding block was offset by 1/32'V, giving zero crossings at
each 1/32 V. By interpolating between each adjacent folding block using four 8-tap
resistor strings, zero crossings every 1/256 V were obtained (i.e., an 8-bit converter
with 32 latch comparators connected to the interpolating resistor strings). The MSBs
were realized by taking appropriate outputs from selected differential pairs and sum-
ming them separately to realize additional folding amplifiers with reduced folding
rates. The final A/D converter could be clocked at 650 MHz and could resolve a 150-
MHz sinusoid with 7.8 bits effective resolution, while dissipating only 0.8 W and
requiring only 1.8 x 2 mm" active area. The converter also included circuttry to pre-
vent bubble errors, as shown in Fig. 13,19, Other examples of folding converters are
given in [van de Grift, 1987, and Colieran, 1993]. In addition, folding converters have
been used in the internal operation of a two-step converter [Vorenkamp, 1992].

EXAMPLE 13.7

-

In Fig. 13.27, show how the two MSBs can be derived using internal signals
from the folding blocks.

Solution

The MSB, b, is determined by the input signal being above or below V,; /2.
Looking at Fig. 13.27, we see that the input ts compared to the appropriate sig-
nal, (8/16)V ; in the top folding block, producing V. As a result, the MSB is
easily obtained by using the collector current of the transistor connected to V,,
in the top folding block. Similarly, the top folding block uses references 4./ 16
and 12/16, which are needed to determine the second bit, b, . In fact, the signal
V, can be used directly as the second bit, b,, as seen in Fig. 13.27. Thus, the
top two bits, b, and b,. can be determined using the top folding block, as
shown in Fig, 13.30.

13.8 PIPELINED A/D CONVERTERS

The twe-stage architecture described in Section 13.5 can be generalized to multiple
stages, where each stage finds a single bit. Specifically, the first stage finds the most-
significant bit, by, the second stage finds the next bit, b,, and so on. Unfortunately, a
straightforward implementation of this approach would be too slow, since the final bit
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12 16
16 16
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Fig. 13.30 Using the V; folding block to also determine the top two MSBs.

would not be available until residual errors ripple through the entire converter. A bet-
ter approach is to also incorporate pipelining such that once the first stage completes
its work, it does not sit idle while the remaining lower bits are found, but immediately
starts work on the next input sample. A block diagram of a pipelined A/D converter is
shown in Fig. 13.31 [Martin, 1981].

Each digital approximator {DAPRX) performs the basic operation required in the
algorithmic algorithm. Specifically, for a signed conversion, the input voltage is com-
pared to 0 V. If V;,>0, then Vy, = 2V, -V /2. and B,, = 1. Otherwise,
Vo = 2Vin+Ve/2,and By, = 0.

Also, each DAPRX contains an S/H to store the input signal. This S/H allows the
preceding DAPRX to be immediately used to process its next input signal before the
succeeding DAPRX has finished, as long as the preceding DAPRX’s digital output is
also stored.

Although it takes N clock cycles to process each input signal (i.e., the latency is
N}, a new sample can be entered in the pipeline each clock cycle. Thus, the process-
ing rate is one sample/cycle, but the complexity is only proportional to N, which is
less than other architectures also processing one sample/cycle. This makes pipelined
A/D converters a good choice where small area is important. The block diagram of a
DAPRX is shown in Fig. 13.32. It should be mentioned here that the S/H can be
incorporated into the gain of two amplifiers, if desired.

In some pipelined implementations, more than one bit is converted per stage. In
this case, the DAPRX can be realized as shown in Fig. 13.33. For a multi-bit per
stage pipelined converter, digital error correction can be added similar to that for a
two-stage A/D converter. The major limitation on the accuracy in pipelined convert-
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Fig. 13.31 A pipelined A/D converter.

ers is the gain amplifier, especially in the first few stages, where accuracy require-
ments are most stringent. For this reason, the gain is often taken smaller for the first
stages (perhaps even equal to unity), which makes the realization of a high-speed
gain amplifier considerably easier. The S/H is also a critical component, especially
for multi-bit implementations. Also, presently most pipelined A/D converters are
switched-capacitor implementations,

Current state of the art is 12 to 15 bits for pipelined converters with error correc-
tion at 1 to 2 MHz. The speed is expected to go up substantially in the near future.
Some examples of pipelined A/D converters are given in [Martin, 1981; Sutarja,
1988; Song, 1988; Lin, 1991; and Karanicolas, 1993].

Vig =P S/H
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Vit &P S/H + Vi

k-bit —'\ k-bit

AD l;/ D/A

k bits
Fig. 13.33 A multi-bit digital opproximator [DAPRX].

13.9 TIME-INTERLEAVED A/D CONVERTERS

Very-high-speed A/D conversions can be realized by operating many A/Ds in parallel
[Black, 1980]. The system architecture for a four-channel A/D is shown in Fig. 13.34.
Here, ¢, is a clock at four times the rate of ¢, to ¢,. Additionally, ¢, to ¢, are
j delayed with respect to each other by the period of ¢, such that each converter will

4
j

—» siH P N-bit A/D

b2

g

+» sH [P N-bit A/D
i Digital
Vin output

¢3

SH —¢ i
L, - /

S/H N-bit A/D

ty

{

—» s/H —W N-bit A/D

Fig. 13.34 A fourchannel time-interfeaved A/D converter.
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get successive samples of the input signal, V;,,, sampled at the rate of ¢;. In this way,
the four A/D converters operate at one-quarter the rate of the input sampling fre-
quency.

With this approach, the input S/H making use of ¢, is critical, while the remain-
ing four S/H converters can have considerable jitter since the signal is already sam-
pled at that point. Thus, sometimes the input S/H is realized in a different technology,
such as GaAs, while the remaining S/H circuits could be realized in silicon. An exam-
ple of a 1 GHz 6-bit A/D converter using time interleaving and GaAs S/H circuits is
described in [Poulton, 19871, where four bipolar converters operating at 250 MHz
were used.

It is also essential that the channels are extremely well matched, as mismatches
will produce tones at f;/m when there are m channels. For example, consider a dc
input signal in a four-channel time-interleaved converter where one converter has a de
offset of, say, 100 mV. Such a system will produce every fourth digital word different
from the other three and hence a tone at f,/4. Such nonideal behavior can be disas-
trous for many applications since the tone may reside well within the frequency of
interest.
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13.11 PROBLEMS

13.1 What is the worst-case conversion time for an 18-bit dual-slope integrating
A/D converter when the clock rate is 5 MHz?

13.2 Consider an 18-bit integrating A/D converter, as shown in Fig. 13.1, where
V.o €quals 10 volts, C, = 100 pF, and a clock frequency of 1 MHz is used.
What value of R, should be chosen such that the opamp output never exceeds
10 volts when 0 V <V, < 10 V?

13.3 Derive the equivalent of (13.8) for Fig. 13.1 when the opamp has an input-
oftset voltage of V;, and the comparator has an input-offset voltage of
Voffz-
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What is the offset error (in LSBs) of the converter described in Problem 13.2
when the integrating opamp has an input-offset voltage of 20 mV?

What input-signal frequencies are completely attenuated by a dual-stope
16-bit integrating A/D having a clock frequency of 1 MHz ? For this same
converter, what is the attenuation of an input signal at 60 Hz ?

Repeat Problem 13.5 with the converter’s clock frequency being equal to
100 kHz.

Consider a 4-bit unipolar DAC-based successive-approximation A/D con-
verter, as shown in Fig. 13.5. Find the sequence of the D/A converter’s output
levels for an input of 3.333 volts when Vo = 8 V. What is the final digital.
output?

Consider a 4-bit unipolar charge-redistribution A/D converter, as shown in
Fig. 13.7, where V o = 8 V. Find the sequence of the voltage level for V, if
the input signal is 3.333 volts.

Repeat Problem 13.8, assuming that a parasitic capacitance of 8 C is con-
nected between the node at V, and ground. Is the final digital result
affected?

Show a method for modifying the unipolar charge-redistribution A/D con-
verter shown in Fig. 13.7 such that the threshold offsets of 0.5V g5 are cor-
rectly realized.

How is the digital code obtained from the signed charge redistribution A/D
converter shown in Fig. 13.8 converted tg a 2's complement code?

What value of error voltage V,, would be measured in Fig. 13.11(a) if the
total array capacitance equals 64 pF, the MSB (i.e., b, ) capacitor equals
31.5 pF, and there is a parasitic capacitance to ground of 10 pF on node v,?
For the same circuit, show that the error voltage, V., that occurs when using
the MSB capacitor during a normal conversion equals 0.5 V.

For the same circuit as described in Problem 13.12, what value of error volt-
age V,, would be measured in Fig. 13.11() if the MSB-1 (i.e., b, ) capacitor
equals 16.4 pF? Show that the error voltage, V,,, that occurs when using the
MSB-1 capacitor during a normal conversion equals 0.5(V,, - V).
Assuming switch resistances are all about 1 k£, estimate the settling time
needed for a 12-bit charge-redistribution A/D converter where the total array
capacitance equals 128 pF.

Draw a block diagram similar to that for Fig. 13.22 for a 10-bit two-step A/D
converter where the first stage determines 4 bits. Indicate the accuracy needed
in alt the blocks.

Show that the circuit shown in Fig. 13.25 results in all time constants being
equal when each of the latches has the same input capacitance and the ampli-
fiers have zero output impedance.

Constider the clocked comparator shown in Fig. 13.18, where

1nCox = 2 UCoy = 100 pA/V”
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2]

Vin| = [Vip] = 1V
Vpp = 3V
and VSS =0V

If the MOSFETS in the inverter are ideal except for each having a 100-kQ
output impedance when active, find the minimum differential input that will
cause a 1-volt change (use a linear analysis). Assuming this minimum differ-
ential input corresponds to (1/2) LSB, what is the maximum number of bits
that this comparator could determine in a flash A/D converter?

13.18 In Section 13.6, it was stated that the interpolated signals will have the correct
threshold crossings if V, and V, in Fig. 13.24 are linear in the region
0.25 < V,, < 0.5. In fact, this region is larger than what is actually necessary.
What is the minimum region of V;, that V, and V, should be linear over?

13.19 Many very-high-speed A/D converters do not use a sample and hold since it
would limit their speed, but instead allow the input signal to be applied to the
array of comparators, which are all clocked “simultaneously.” Qualitatively,
explain why a clocked flash or interpolating A/D converter might operate
faster than a sample-and-hold circuit.

13.20 In an N-bit folding A/D converter {with no interpolation), what is the product
of the folding rate times the number of folding blocks?

13.21 Find an expression for the number of latches in an N-bit folding A/D con-
verter where the folding rate is FR = 2",

13.22 Assuming the input capacitance of a differential stage is the same in either
a flash or folding/interpolating A/D converter, what reduction of input
capacitance over a flash converter would be achieved with an 8-bit folding/
interpolating A/D converter having four folding blocks, each with a folding
rate of eight? If a straight interpolating A/D converter is to have the same
reduction in input capacitance, how many resistors are required between
“input comparators”?

13.23 Draw the clock waveforms of the sample-and-hold circuits for the time-
interleaved A/D converter shown in Fig. 13.34.
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CHAPTER

14 Oversampling
Converters

Recently, oversampling A/D and D/A converters have become popular for high-
resolution medium-to-.low-speed applications such as high-quality digital audio. The
major reasons for their popularity include the following: First, oversampling convert-
ers relax the requirements placed on the analog circuitry at the expense of more com-
plicated digital circuitry. This trade-off becomes more desirable for modern submicron
technologies with 3.3-V power supplies where complicated high-speed digital cir-
cuitry 18 more easily realized in less area. but the realization of high-resolution analog
circuitry is complicated by low power-supply voltages and poor transistor output
impedance (caused by short-channel effects). With oversampling data converters, the
analog components have reduced requirements on matching tolerances and amplifier
gains. A second advantage of oversampling converters 1s that they simplify the
requirements placed on the analog anti-aliasing filters for A/D converters and smooth-
ing filters for D/A converters. For example. usually only afirst-order anti-aliasing fil-
ter is required for A/D converters, which can often be realized on chip or at worst case
very inexpensively off chip. Furthermore, a sample-and-hold is usually not required at
the input of an oversampling A/D converter.

In this chapter, the basics of oversampling converters are discussed first. We shall
see that extra bits of resolution can be extracted from converters that sample much
faster than the Nyquist rate. Furthermore, this extra resolution can be obtained with
lower oversampling rates by spectrally shaping the quantization noise through the use
of feedback. The use of shaped quantization noise applied to oversampling signals is
commonly referred to as delta-sigma (AZ) modulation.! Simple first- and second-
order AZ modulators are discussed, followed by a discussion of typical system archi-
tectures for AX data converters. Next. two popular approaches for realizing decimation
filters are described. Descriptions of some modern approaches are then described along
with some practical considerations. The chapter concludes with an exampie design of
a third-order AX A/D converter.

14.1 OVERSAMPLING WITHOUT NOISE SHAPING

In this section, the advantage of sampling at higher than the Nyquist rate is discussed.
Here, we shall see that extra dynamic range can be obtained by spreading the

1. Delta-sigma modulation is also sometimes referred to as sigma-delta modulation.

531
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quantization noise power over a larger frequency range. However, we shall see that
the increase in dynamic range is only 3 dB for every doubling of the sample rate. To
obtain much higher dynamic-range improvements as the sampling rate is increased,
noise shaping through the use of feedback can be used and is discussed in the next
section.

Quantization Noise Modelling

We begin by modelling a quantizer as adding quantization error e{n), as shown in
Fig. 14.1. The output signal, y(n), is equal to the closest quantized value of X(n). The
quantization error is the difference between the input and output values. This model
is exact if one recognizes that the guantization error is not an independent signal but
may be strongly related to the input signal, x(n). This linear model becomes approxi-
mate when assumptions are made about the statistical properties of e(n), such as e(n)
being an independent white-noise signal. However, even though approximate, it has
been found that this model leads to a much simpler understanding of AX and with
some exceptions is usually reasonably accurate.

White Noise Assumption

If x(n) is very active, €(n) can be approximated as an independent random number
uniformly distributed between *A/2, where A equals the difference between two
adjacent quantization levels. Thus, the quantization noise power equals A*/12 (from
Section 11.3) and is independent of the sampling frequency, fs. Also, the spectral den-
sity of e(n), Sy(f), is white (i.e., a constant over frequency) and all its power is within
+f,/2 (a two-sided definition of power).

Assuming white quantization noise, the spectral density of the quantization noise,
S.(f) appears as shown in Fig. 14.2.

The spectral density height is calculated by noting that the total noise power is
A’/12 and, with a two-sided definition of power, equals the area under S (f) within

e(n}
x{n) y(n)
—P —> =P O y(n)
e(n) = y(m-x(n)
Quantizer Model

Fig. 14.1  Quantizer and its linear model.
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S.h
ﬁ Height k, = (i]f
_ IRNAELIR
l >
f, 0 fe
5 2

Fig. 14.2  Assumed spectral density of quantization noise.

+f,/2, or mathematically,

.
f.r2

[0 sunar = [k af = K, =

-2 2 ¥

« - [A) f (142)
J12 i

(14.1)

slP.

Solving this relation gives

EXAMPLE 14.1

Find the output and quantization errors for two different quantizers, as shown in
Fig. 14.3, when the input values are

x(n) = {0.01,0.31, -0.11, 0.80, 0.52, —0.70} (14.3)

Also find the expected power and the power density height, Sf;(f) , of the guanti-
zation noise when the sampling frequency is normalized to 2x rad/sampile .

A y(n)
1.0 pu— y(n)
A
0.5 10 —
-0.756 -0.25
P X(m —
025 075 , X(n
-0.5 —— ] ()
A =05 A=20
— 710
Quantizer 1 Quantizer 11
(Five-level quantizer) (Two-level quantizer)

Fig. 14.3 Two example quantizers.
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Table 14.1 Example signal values and
quontizotion noise for two
quantizers,

Quantizer 1 Quantizer 11
(Five Levels) (Two Levels)

X(n) y(n) e ymn) e(n
001 00 001 1 099

0.31 0.5 0.19 1 0.69

—0.11 0.0 0.11 -1 —.89

0.80 1.0 0.2 1 020

0.52 0.5 -0.02 1 0.48

-0.70 - 0.5 0.2 -1 —0.30
Solution

The output and quantization noise values for this example are given in Table
14.1. Note that although the output signals, y(n), are well-defined values, the
quantization error values can be approximated as uniformly distributed random
numbers since the input signal is quite active.

Recalling that the quantization noise power is given by

A 2
= = 144
e =15 (14.4)
then the expected noise powers of the two quantizers are
2
P, = 03 = 0.0208 W (14.5)
12
22
Py = = 0333 W (14.6)

where we note that these values are not affected by normalizing the sampling
frequency. Also note that the two power estimates for P; and Py, correspond to
rms power levels of 0.144 and 0.577, respectively.

For the power density, we note that the power is spread evenly between
+f./2, resulting in a density of

P
Sah) = =2 (14.7)
fe
which results in
Soh = (99%%] = 0.0033] ——n (14.8)
2n rad/sample
. W
Sif) = (@) = 0.053 —— (14.9)
2n rad/sample
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Oversampling Advantage

Oversampling occurs when the signals of interest are bandlimited to f, yet the
sample rate is at fy, where f,>2f; (2f; being the Nyquist rate or, equivalently, the
minimum sampling rate for signals bandlimited to f,). We define the oversampling
ratio, OSR, as

OS8R = f—s (14.10)
21,

After quantization, since the signals of interest are all below f, ., y,(n) is filtered
by H(f) to create the signal y,(n}, as shown in Fig. 14.4. This filter eliminates quan-
tization noise (together with any other signals) greater than f, .

Assuming the input signal is a sinusoidal wave, its maximum peak value with-
out clipping is 2N(A/ 2) . For this maximum sinusoidal wave, the signal power, P,
has a power equal to

2

AN 242N

p, = |22 | - 42 (14.11)
2.2 8

The power of the input signal within ¥,(n) remains the same as before since we

assumed the signal’s frequency content is below f,. However, the quantization noise
power is reduced to

W2, 2 e [l 2 2fA° _ A% 1
P, = J_f5/2Se(f)|H(f)| df = LD Gdf = 37 = ﬁ(o_sﬁ) (14.12)

Therefore, doubling OSR (i.e., sampling at twice the rate) decreases the quantiza-
tion noise power by one-half or, equivalently, 3 dB (or, equivalently, 0.5 bits).

y1(n)
uin) ——M J_rrl- ——p Hf | YoM

N-bit quantizer
: (a)

A HOI
1

et
£, O f,

(b)

Fig. 14.4 [a] A possible oversampling system without noise shoap-
ing. (b} The brick-wall response of the filter to remove much of the
quantization noise.

M Iw*_._
N | g —
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We can also calculate the maximum SNR (in dB) to be the ratio of the maximum
sinusoidal power to the quantization noise in the signal y,(n). Mathematically, we
have through the use of (14.11) and (14.12)

_ PaY 3 2N I
SNRa = 10 log| % | = 10 1og(§2 + 1010z (OSR) (14.13)

e

which is also equal to

SNR,,., = 6.02N + 1.76 + 10log (OSR) (14.14)

The first term is the SNR due to the N-bit quantizer while the OSR term is the
SNR enhancement obtained from oversampling. Here we see that straight oversam-
pling gives a SNR improvement of 3 dB/octave or, equivalently, 0.5 bits/octave. The
reason for this SNR improvement through the use of oversampling is that when quan-
tized samples are averaged together, the signal portion adds linearly, whereas the
noise portion adds as the square root of the sum of the squares.

EXAMPLE 14.2

Consider a sampled dc signal, V. of value 1 V where the measured voltage,
Vimeas - is Vg plus a noise signal, V... Assume V| . is a random signal uni-
formly distributed between +./3 . What is the SNR for Vimess When looking at
individual values? If eight samples of V., are averaged together, roughly
what is the new SNR? To illustrate the results, use eight typical samples for
Vimeas Of 10.94, —(.52, -0.73, 2.15, 1.91, 1.33, -0.31, 2.33}.

Solution

Referencing signals to 1 Q, we calculate the power of V_ and V., to both
be | watt. Thus the SNR for V... is 0 dB when looking at individual V.,
values. Note that it is difficult to see the signal value of | V in the example
VY meas Samiples since the SNR is so poor.

If eight samples are averaged. we are realizing a modest low-pass filter,
resulting ir the oversampling ratio being approximately equal to 8 (this is a
rough estimate since a brick-wall filter is not being used). Since each octave
of oversampling results in a 3-dB SNR improvement, the averaged value
should have a SNR of around 9 dB. Note that averaging the eight given
Vmeas samples results in 0.8875, which more closely represents the signal
valueof 1 V.

The reason oversampling improves the SNR here is that by summing eight
measured values, the eight signal values add linearly to 8 Vo (or 64 watts)
while the eight noise values add to /8 Vims (or 8 watts), since the noise values
are assumed to be independent.
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EXAMPLE 14.3

Given that a 1-bit A/D converter has a 6-dB SNR, what sample rate is
required using oversampling (no noise shaping) to obtain a 96-dB SNR (i.e.,
16 bits) if f, = 25 kHz ? (Note that the input into the A/D converter has to be
very active for the white-noise quantization model to be valid—a difficult
arrangement when using a 1-bit quantizer with oversampling without noise
shaping}.

Solution

Oversampling (without noise shaping) gives 3 dB/octave where 1 octave
implies doubling the sampling rate. We require 90 dB divided by 3 dB/octave ,
or 30 octaves. Thus, the required sampling rate, f,, is

fs = 2" x 2f, = 54,000 GHz !

This example shows why noise shaping is needed to improve the SNR
faster than 3 dB/octave , since 54,000 GHz is highly impractical.

The Advantage of 1-bit D/A Converters

While oversampling improves the signal-to-noise ratio, it does not improve linearity.
For example, if a 16-bit linear converter is desired while using a 12-bit converter with
oversamplmg, the 12-bit converter must have an integral nonlinearity error less than
1/2* LSB (here, LSB refers to that for a 12-bit converter). In other words, the com-
ponent accuracy would have to match better than 16-bit accuracy (i.e., 100 x
(1/ 2! ) = 0.0015 percent accuracy). Thus, some sort of auto calibration or laser
trimming must be used to obtain the required linearity. However, as we saw in Exam-
ple 14.3, with a high enough sampling rate, the output from a 1-bit converter can be
filtered to obtain the equwalent of a 16-bit converter. The advantage of a I-bit D/A is
that it is inherently linear.” This linearity is a result of a 1-bit D/A converter having
only two output values and, since two points define a straight line, no trimming or cal-
ibration is required. This inherent linearity is one of the major motivations for making
use of oversampling techniques with 1-bit converters. In fact, the reader may be aware
that many audio converters presently use 1-bit converters for realizing 16- to 18-bit
linear converters (with noise shaping). In addition, 20-bit linearity has been reported
without the need for any trimming [Leopold, 1991]. Finally, it should be mentioned
that there are other advantages when using oversampling techniques, such as a
reduced requirement for analog anti-aliasing and smoothing filters.

2. This assumes that second-order errors due to imperfections such as signal-dependent power supply, or
reference voltages, or memory it the D/A converter are not present.
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14.2 OVERSAMPLING WITH NOISE SHAPING

In this section. the advantage of noise shaping the quantization noise through the use
of feedback is discussed. Here, we shall see a much more dramatic improvement in ]
dynamic range when the input signal is oversampled as compared to oversampling the
input signal with no noise shaping. Although this section illustrates the basic princi-
ples with reference to A/D converters. much of it applies directly to AL DfA convert-
ers as well. ;

The system architecture of a AY oversampling A/D converter is shown in
Fig. 14.5. The first stage is a continuous-time anti-aliasing filter and is required to
band-limit the input signal to frequencies less than one-half the oversampling fre-
quency, f,. When the oversampling ratio is large, the anti-aliasing filter can often be
quite simple, such as a simple RC low-pass filter. Following the anti-aliasing filter,
the continuous-time signal, X(1), is sampled by a sample-and-hold. This signal is then
processed by the AX modulator, which converts the analog signal into a noise-shaped
low-resolution digital signal. The third block in the system is a decimator. It converts
the oversampled iow-resolution digital signal into a high-resolution digital signal at a
lower sampling rate usually equal to twice the frequency of the desired bandwidth of
the input signal. The decimation filter can be conceptually thought of as a low-pass
filter followed by a down sampler. although in many systems the decimation is per-
formed in a number of stages. It should be mentioned that in many realizations where
the AYX modulator is realized using switched-capacitor circuitry, a separate sample-
and-hold is not required, as the continuous-time signal is inherently sampled by the
switches and input capacitors of the SC AX . In the next few sections the operation of
the various building blocks will be described in greater detail.

Noise-Shaped Delta-Sigma Modulator

A general noise-shaped delta-sigma {AZ } modulator and its linear model are shown
in Fig. 14.6. This arrangement is known as an interpolative structure and is analogous
to an amplifier realized using an opamp and feedback. In this analogy, the feedback
reduces the effect of the noise of the output stage of the opamp in the closed-loop
amplifier’s output signal at low frequencies when the opamp gain is high. At high fre-
quencies, when the opamp’s gain is low. the noise 1s not reduced. Note that the quan-

(D) xAH Xgh(t) XggmlM) X,p(N) X(N)
Anti- Sample- AT Digital

—Pp] aliasing—p| and- |— d —'-b low-pass [—™ l OSR ‘_’
filter hotd | fs | MOC |1, . fitter g :

; ;2
: ' Decimation filler .
Analog R R T

Digitat
Fig. 14.5 Block diagram of an oversampling A/D converter.
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X(n} "
u(n) Ho — _'_r'_,_ Yy

Quantizer

x(n)
u(n) H(z) <+ » y(n

Fig. 14.6 A modulator and its linear model: (a) a general
AY. modulator [interpalator structure); (b) linear model of the
modulator showing injected quantization naise,

tizer here is shown for the general case where many output levels occur. While most
present oversampling converters make use of 1-bit quantizers (i.c., only two output
levels) due to reasons already discussed, there is certainly no reasen to restrict our-
selves to such implementations. In fact, multibit oversampling converters, discussed
in Section 14.8, are gaining in popularity. -

Treating the linear model shown in Fig. 14.6(b) as having two independent inputs
(which is an approximation), we can derive a signal transfer function, Syp(2), and a
noise transfer function, Ntg(2).

Y(z) H(z)
= = 14.1
St(2) U@z 1+H@2) (14.15)

Eiz) 1+H(@

Note that the zeros of the noise transfer function, N1¢(2). will be equal to the poles of
H(z). In other words, when H(2) goes to infinity, we see by (14.16) that N;g(Z) will
go to zero. We can also write the output signal as the combination of the input signal '
and the noise signal, with each being filtered by the corresponding transfer function.
In the frequency domain, we have

Y(z) = Ste(2)U(Z) + N1(Z)E(2) (14.17)

To noise-shape the quantization noise in a useful manner, we choose H(z) such
that its magnitude is large from 0 to f, (i.e., over the frequency band of interest).
With such a choice, the signal transfer function, Syg(z), will approximate unity over
the frequency band of interest very similarly to an opamp in a unity-gain feedback
configuration. Furthermore, the noise transfer function, Ng(2), will approximate zero
over the same band. Thus, the quantization noise is reduced over the frequency band
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of interest while the signal itself is largely unaffected. The high-frequency noise is not
reduced by the feedback as there is little loop gain at high frequencies. However,
additional post filtering can remove the out-of-band quantization noise with little
effect on the desired signal. .

Before choosing specific functions for H(z), note that the maximum level of the
in-band input signal, u(n), must remain within the maximum levels of the feedback
signal, y(n); otherwise the large gain in H(z) will cause the signal x(n) to saturate.
For example, if a 1-bit quantizer having output levels of £1 is used, the input signal
must also remain within 1 for frequencies where the gain of H(z) is large. In fact,
for many modulators the input signal needs to be significantly smaller than the bounds
of the quantizer output levels to keep the modulator stable.” However, the maximum
level of the input signal, u(n), for frequencies where the gain of H(z) is small wili not
necessarily cause the signal X(n) to saturate. In other words, the maximum level of the
out-of-band input signal can be quite a bit larger than the feedback levels (see Prob-
lem 14.4).

First-Order Noise Shaping

To realize first-order noise shaping, the noise transfer function, Nyg(Z), should have
a zero at dc (i.e., Z = 1) so that the quantization noise is high-pass filtered. Since
the zeros of Ng(2) are equal to the poles of H(Z), we can obtain first-order noise
shaping by letting H(z) be a discrete-time integrator (i.e., have a pole at z = 1).4
Specifically, =

HZ) = —— (14.18)
z-1
A block diagram for such a cheice is shown in Fig. 14.7.

Time Domain View From a time domain point of view, if the feedback is operating F
correctly and the system is stable, then the signal x(n) is bounded (i.e., # o). Since

the integrator has infinite dc gain, the average value of the discrete-time integrator's
input must exactly equal zero (i.e., average value of u(n)—y(n) equals zero). This

x(n)

uén) PG 2 _rrl—r > y(n)

Quantizer

Fig. 147 A firstorder noiseshaped interpolative modulator.

3. A modulator is defined to be stable if the input to the quantizer does not become so large as to cause the
quantizer error to become greater than A/ 2 (which is referred to as overloading the quantizer). See Sec-
tion 14.7.

4. A continuous-time integrator can also be used. but discrete-time integrators are more popular in inte-
grated realizations as they are less sensitive to sampling jitter and have betier distortion characteristics.
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result implies that the average value (i.e., dc value) of u(n) must equal the average
value (i.e., dc value) of y(n).

Again, the similarity of this configuration and an opamp having unity-gain feed-
back is emphasized. The open-loop transfer function of an opamp is closely approxi-
mated by a first-order integrator having very large gain at low frequencies.

EXAMPLE 14.4

Find the output sequence and state values for a dc input, u(n), of 1/3 when a
two-level quantizer of £1.0 is used (threshold at zero) and the initial state for
X(n}is 0.1.

Solution
The output sequence and state values are given in Table 14.2,

Table 14.2 First-order modulator example

n x(n) x(n+1) y(n) e{n)

0 0.1 -0.5667 1.0 0.9

1 -0.5667 0.7667 -1.0 -0.4333
2 0.7667 0.1 1.0 0.2333
3 0.1 —.5667 1.0 0.9

4 —.5667 0.7667 1.0 -0.4333

5 T

Note that the average of y(n) exactly equals 1/3 as expected. However,
also note that the output pattern is periodic, which implies that the quantization
noise is not random in this example. (However, the result is much more satisfy-
ing than applying 1/3 directly into a 1-bit quantizer using straight oversam-
pling, which would give all 1s as its output.)

Frequency Domain View From a frequency domain view, the signal transfer
function, S;g(2), is given by

Y@y | 1z

S+e(2) = = = 14.19
2 = 5o 1+1/(z-1) (1419

and the noise transfer function, N{g(2), is given by
Ny = Y8 - L (14.20)

Ez) 1+1/(z-1)

We see here that the signal transfer function is simply a delay, while the noise transfer
function is a discrete-time differentiator (i.e., a high-pass filter).

To find the magnitude of the noise transfer function, |Nyg(f)
eioT = g™ and write the following:

L we let z =
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par, e g™ i/t
Noef) = 1-77 % = —-—2_—x2]'xe_m ¢
: (14.21)
. (nf) . —jmbsdy
= sin| — [x2]xe
fS
Taking the magnitude of both sides, we have the high-pass function
f
INe(h)| = 2sin(1:—) (14.22)
S

Now the quantization noise power over the frequency band from 0 to f; is given by
2

f o (a* 1], . (nf
Pe = J.4083(f)|N-|-p(f)|2df = LD[E}—S 2 sm[f—) df (14.23)

s

and making the approximation that f, << f; {i.e., OSR >> 1), so that we can approx-
imate sin((nf}/f.) tobe (nf)/f,, we have

3 3
A* Yt Y2t AR 1
P = |2 |2 =2 =22 — 14.24
y (12131@} 36 |[OSR (14.24)

Assuming the maximum signal power is the same as that obtained before in (14.11),
the maximum SNR for this case is given by -

P 2
SNR,,. = 10log| = | = 101og 3, +101log i(OSF{)3 (14.25)
P, 2 .

or, equivalently,
SNR,.., = 6.02N +1.76 - 5.17 + 30log(OSR) (14.26)

We see here that doubling the OSR gives an SNR improvement for a first-order mod-
ulator of 9 dB or, equivalently, a gain of 1.5 bits/octave. This result should be com-
pared to the 0.5 bits/octave when oversampling with no noise shaping.

Switched-Capacitor Realization of a First-Order A/D Converter

It is possible to realize a first-order modulator using switched-capacitor (SC) tech-
niques. An example of a first-order modulator where a 1-bit quantizer is used in the
feedback loop is shown in Fig. 14.8. Here, the AL modulator consists of both analog
and digital circuitry. It should be mentioned that the two input capacitances to the
discrete-time integrator in Fig. 14.8 can be combined to one capacitance, as shown in
Fig. 14.9 [Boser, 1988]. However, such an approach does not easily allow scaling of
the feedback signal relative to the input signal.
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............ Quantizer
un) ' ' y(n}
C
¢' C ¢2 ]
v, 1 0 Comparator
0] Pl'm —_—
V.2 %2, (‘1’1)0'_ Latch on ¢, falling
Pr(®)] <= 0 9, € Vouy igh
’ (#1), ($2) & V,,, oW
(b)

Fig. 14.8 Firstorder A/D modulator: {a) block diagram; {b) switched-
capacitor implementation.

-

¢
v % C ¢2\ i Comparator
in om—— 0—7 -
" ¢2\j-| l¢‘1 >— — Vo t
= L -
Latch on &, falling
° 4
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Fig. 14.9 Firstorder A/D modulator using only one input capaci-
tance to the discrete-time integrator.

Second-Order Noise Shaping

The modulator shown in Fig. 14.10 realizes second-order noise shaping (i.e., the noise
transfer function, Nyg(2), is a second-order high-pass function). For this modulator,
the signal transfer function is given by

St = 27 (14.27)

and the noise transfer function is given by
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Nreh)

uin)

J_rrr » yin)

Quantizer

Fig. 14.10 Second-order AX medulator.

Nrgtf) = (1-27) (14.28)
Additionally, the magnitude of the noise transfer function can be shown to be given by
fn2
INe(h)] = [2 sin[TfL ﬂ (14.29)
S

resulting in the quantization noise power over the frequency band of interest being
given by

LI 5
N

Again, assuming the maximum signal power is that obtained in (14.11}, the max-
imum SNR for this case is given by

P 32N 5 s
SNR,,, = 1010g(—)= 1010g(—2 ]+ f01og[—(OSR)J (14.31)
Pe 2 - TI:4

or, equivalently,
SNR,,, = 6.02N+1.76 - 12.9 + 501og(OSR) (14.32)

We see here that doubling the OSR improves the SNR for a second-order modu-
lator by 15 dB or, equivalently, a gain of 2.5 bits/octave.

The realization of the second-order modulator using switched-capacitor tech-
niques is straightforward and is left as an exercise for the interested reader.

Second-order

First-order

No noise shaping

T

0f,

Fig. 14.11

N PP
—
»

Some different noise-shaping transfer functions.
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Noise Transfer-Function Curves

The general shape of zero-, first-, and second-order noise-shaping curves are shown in
Fig. 14.11. Note that over the band of interest (i.e., from 0 to f,), the noise power
decreases as the noise-shaping order increases. However, the out-of-band noise
increases for the higher-order modulators.

EXAMPLE 14.5 ’

Given that a 1-bit A/D converter has a 6-dB SNR, what sample rate is required
to obtain a 96-dB SNR (or 16 bits) if f; = 25 kHZ for straight oversampling as
well as first- and second-order noise shaping?

Solution

Oversampling with No Noise Shaping From before, straight oversampling
requires a sampling rate of 54,000 GHz.

First-Order Noise Shaping First-order noise shaping gives 9 dB/octave
where 1 octave is doubling the OSR. Since we lose 5 dB, we require 95 dB
divided by 9 dB/octave, or 10.56 octaves. Thus, the required sampling rate,
fq, is

fo = 2'%% % 2f, = 75 MHz

This compares very favorably with straight oversampling, though it is still quite
high.

Second-Order Noise Shaping Second-order noise shaping gives 15 dB/
octave, but loses 13 dB. Thus we required 103 dB divided by 15 dB/octave,
resulting in a required sampling rate of only 5.8 MHz. However, this simple cal-
culation does not take into account the reduced input range for a second-order
modulator needed for stability.

Quantization Noise Power of 1-bit Modulators

Assuming the output of a 1-bit modulator is £1, then one can immediately determine
the total power of the output signal, y(n), to be a normalized power of 1 watt. Since
y(n) consists of both signal and quantization noise, it is clear that the signal power
can never be greater than 1 watt. In fact, as alluded to earlier, the signal level is
often limited to well below the %1 ievel in higher-order modulators to maintain sta-
bility. For example, assuming that the maximum peak signal level is only +0.25,
then the maximum signal power is 62.5 mW. And since the signal power plus quan-
tization noise power equals 1 W, the maximum signal power is about 12 dB below
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the quantization noise power. Fortunately, as we saw above, the quantization noise
power is mostly in a different frequency region than the signal power and can there-
tore be filtered out. Note, however, that the filter must have a dynamic range capa-
ble of accommodating the full power of y(n) at its input. For a AX A/D converter,
the filtering would be done by digital filters following the quantizer.

Error-Feedback Structure

Before leaving this section, it is of interest to look at another structure for realizing a
delta-sigma modulator—an error-feedback structure, as shown in Fig. 14.12 [Anas-
tassiou, 1989]. Using a linear model for the quantizer, it is not difficult to show that
: this error-feedback structure has a signal transfer function, Syp(2), equal to unity
while the noise transfer function, Ne(Z) , equals G(Z) . Thus for a first-order modula-
tor, G(z) = 1 - Z_', or in other words, the block (G(2) — 1) is simply -z

Unfortunately, a slight coefficient error can cause significant noise-shaping degra-
dation with this error-feedback structure. For example. in a first-order case, if the
delayed signal becomes ~0.99z"" (rather than —z '), then G(z) = 1-0.99z ', and
the zero is moved off de. Such a shift of the zero will result in the quantization noise not
being tully nulled at dc and therefore would not be suitable for high oversampling
ratios. Thus, this structure is not well suited to analog implementations where coeffi-
cient mismatch occurs. In contrast, an interpolative structure has the advantage that the
zeros of the noise transfer function remain at dc as long as H(z) has infinite gain at dc.
This high gain at dc can usually be obtained~in analog implementations by using
opamps with large open-loop gains and does not rely on component matching. The
error feedback structure is discussed here because it is useful for analysis purposes and
can work well for fully digital implementations where no coetficient mismatches occur,

A second-order modulator based on the error-feedback structure is shown in
Fig. 14.13. For this case we have

Gz)-1=2z'(z"'~2) (14.33)
implying that
Gz) = 1-22"+2~
s (14.34)
=(l-z)
u(n) X(n) _rr,_r ’y(n)
G(Z]—1 e(n)

Fig. 14.12 The errorfeedback structure of a general
AZX modulator.
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u(n) x(n) (n)
> J_,-l‘r >’

Fig. 14,13 The errorfeedback structure of a second-order AX
modulator.

which is identical to (14.28), and we see that second-order noise shaping is obtained,
In practical realizations, one might have to take into account additional details such as
preventing overflow and reducing complexity. For these more advanced topics, the
reader is referred to [Temes, 1996].

14,3 SYSTEM ARCHITECTURES

In this section, we look at typical system architectures for oversampled A/D and D/A
converters,

System Architecture of Delta-Sigma A/D Converters

The system architecture for a typical AZ oversampling A/D converter is shown in
Fig. 14.14, and some example signal spectra are shown in Fig. 14.15. In the case of
digital audio, various sampling frequencies might be f; = 5.6448 MHz, f, = 44, 1
kHz, which represent an oversampling ratio of 128, Here the input signal, x (1), i

sampled and held,’ resulting in the signal xg,(1) . This sampled-and-held signal is [hen
applied to an A/D AL modulator, which has as its output a 1-bit digital signal
Xgsm(N). This 1-bit digital signal is assumed to be linearly related to the input signal

Xinl) L) Xan(t) Xgsm(M) Xipl1) Xo(n)
Anti- Sample- AX : Digital

——P aliasing —p and- — Mod —:-’ |ow-pass —» l 0OSR -_>
filter hold | fs o f, . filter 1, .

. » 2f
' ' Decimation filter :
Analog T I

Digital

Fig. 14.14 Block diagram of an oversampling A/D converter.

5. This sampie-and-hold block is often inherent in the switched-capacitor modulator. Thus, the signal
X;n(t may never physically exist in many realizations.
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Fig. 14.15 Signals and spectra in an oversampling A/D converter.

X(t) (accurate to many bits of resolution), although it includes a jarge amount of out-
of-band quantization noise. To remove this out-of-band quantization noise, a digital
decimation filter is used as shown, Conceptually, one can think of the decimation pro-
cess as first reducing the quantization noise through the use of a digital low-pass filter,
resulting in the multi-bit signal X,,(n). Note that this low-pass filter will also remove
any higher-frequency signal content that was originally on the input signal, X(t), and
thus also acts as an anti-aliasing filter to limit signals to one-half the final output sam-
pling rate, 2f,, as opposed to the anti-aliasing filter at the input, which needed to only
limit signals to frequencies less than f;/2. Next, X,,(n) is resampled at 2f, to obtain
Xs(N) by simply keeping samples at a submultiple of the oversampling rate and throw-
ing away the rest. In Fig. 14.15 an oversampling rate of only 6 is shown for clarity as
opposed to the more typical values of 64 or 128 that are used in many commercial
applications. This decimation process does not result in any loss of information, since
the bandwidth of the original signal was assumed to be f,. In other words, the signal
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X,(N) has redundant information since it is an oversampled signal where ali of its
spectral information lies well below 1, and by throwing away samples, the spectral
information is spread over O to n. Finally, it should be noted that there is no need to
actually create the signal X,,(n), and much digital circuit complexity can be saved by
combining the digital low-pass filter with the resampling block to directly produce the
downsampled signal xg(n), as discussed in Section 14.4: The final signal, X (N},
would typically have 16-bit resolution in digital audio applications.

It is of interest to look at what element most strongly affects the linearity of this
oversampling A/D system. Returning to the AZ modulator, note that an internal 1-bit
D/A converter is used whose output signal is combined with the input signal such
that, over the frequency band of interest, these two signals are nearly the same. As a
result, the overall linearity of this AX modulator converter depends strongly on the
linegarity of its internal D/A converter. For example, with a nonlinear internal D/A
converter and a slow linear ramp input signal, the low-frequency content of the D/A
converter’'s output would essentially equal that ramp. However, the low-frequency
content of the digital input to the D/A converter would be a.nonlinear ramp to account
for the DD/A converter’'s nonlinearity. Since the remaining digital circuitry is linear,
the overall linearity of this oversampling A/D converter is most strongly dependent
on realizing a linear D/A converter inside the AX modulator. In fact, nonlinearities in
the internal A/D converter (if it was multi-bit) have only a small effect on the linear-
ity of the overall converter, since the high gain in the feedback loop compensates for
that nonlinearity.

System Architecture of Delta-Sigma D/A Converters

Most of the discussion so far has focused on AX A/D converters, but much of it also
applies to AZ D/A converters, with a few qualifications. A high-resolution oversam-
pling D/A converter using a 1-bit converter can be realized as shown in the block dia-
gram in Fig. 14,16. Some illustrative signals that might occur in this system are
shown in Fig. 14.17. The digital input signal, x,(n), is a multi-bit signal and has an
equivalent sample rate of 2f,, where f; is slightly greater than the highest input sig-
nal frequency. For example, in a compact disc audio application, a 16-bit input signal
is used with a frequency band of interest from 0 to 20 kHz while the sample rate, 2f,

X4 Xgp{N} Xp(N) Xgsm(N) Xqall) X0
Interpolation AT 1-bit Analog
—> T OSR [P (low-pass) [ Mod —P —»  low-pass [P
2fo ty fiter {1, i | DA filter
OSR = f_s Digital Analog
2f, '

Fig. 14.16 Block diagram of a 1-bit oversampling D/A converter,
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Fig. 14.17 Signals and specira in an oversampling D/A converter.

is 44.1 kHz. Note, however, that X.(n) is actually just a series of numbers and thus its
shown frequency spectrum has normalized the sample rate to 27 . Next, the input sig-
nal is upsampled to an equivalent higher sampling rate, f;, resulting in the upsampled
signal Xg,(n). In the example shown, the oversampling rate is only six (..,
fs = 6 x2f,), while in typical audio applications, fg is often near a 5-MHz rate (i.e.,
oversampling rate of 128). However, Xg,(n) has large images left in its signal so an
interpolation filter is used to create the multi-bit digital signal, X,,(n), by digitally fil-
tering out the images. This interpolation filter is effectively a digital brick-wall-type
filter that passes 0 to (2nf,)/f, and rejects all other signals. The resulting signal,
Xip(N), is then applied to a fully digital AZ modulator that produces a 1-bit output sig-
nal, X4sm{N), which has a large amount of shaped quantization noise. As discussed
earlier, the main reason for going to a 1-bit digital signal is so that a 1-bit D/A con-
verter can now be used to create X4,(1), which has excellent linearity properties but
still a large amount of out-of-band quantization noise. Finally, the desired output sig-

564 of 720




14.4 Digital Decimation Fillers 551

nal, X.(t), can be obtained by using an analog filter to filter out this out-of-band quan-
tization noise. The analog filter may be a combination of switched-capacitor and
continuous-time filtering.

Some points to note here are that while oversampling allows the use of a 1-bit
D/A converter, which can have excellent linearity, the use of oversampling also
relaxes some of the analog-smoothing filter specifications. For example, if a 16-bit
converter was used at the Nyquist rate, 2f, the analog-smoothing filter would
have to remove the images in the signal instead of a precise digital interpolation
filter removing these images. This specification can be very demanding, as in a
digital-audio application, where a near 96-dB attenuation is required at 24 kHz,
while up to 20 kHz should pass with unity gain. With the use of an oversampling
approach, the digital interpolation filter is faced with this strict specification rather
than an analog smoothing filter. In fact, oversampling is often used in audio appli-
cations with multi-bit D/A converters just to reduce this analog-smoothing filter’s
complexity.

Another point to note is that the order of the analog low-pass filter should be at
least one order higher than that of the AYX modulator. The reason for this choice is that
if the analog filter’s order is equal to that of the modulator, the slope of the rising
quantization noise will match the filter’s falling attenuation, and thus the resulting
quantization noise will be approximately a constant spectral density up to one-half the
sampling rate (i.e., f./2). By having a higher-order analog filter, the spectral density
of the output signal’s guantization noise will have a bandwidth similar to the analog
filter’s bandwidth, which is around §;,.

Finally, note that the analog filter must be™able to strongly attenuate high-
frequency noise, as much of the quantization noise is centered around f,/2, and this
analog filter should be linear so it does not modulate the noise back to the frequency
band of interest. In many applications, the realization of these filters, especially if
they are integrated, is nontrivial.

]

14.4 DIGITAL DECIMATION FILTERS

There are many techniques for realizing digital decimation filters for oversampling A/D
converters. In this section, we discuss two popular approaches—multi-stage and single-
stage.

Multi-Stage

One method for realizing decimation filters is to use a muiti-stage approach, as shown
in Fig. 14.18. Here, the first-stage FIR filter, T .(Z), removes much of the quantiza-
tion noise such that its output can be downsampled to four times the Nyquist rate (i.e.,
8fy). This lower-rate output is applied to the second-stage filter, which may be either
an IIR filter, as shown in Fig. 14.18(a), or a cascade of FIR filters, as shown in
Fig. 14.18(b).
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Lth-order | Rate =1, Rate = 8f, Rate = 21,
AZ P Taincl2) > TR >
modulator

sinc"™ FIR filter IR fitter

(a)

Rate = f,  Rate = 8f, Rate = 4f, Rate = 2f, Rate = 2f
- [}

Lth-order
AY —» Tsinc(z) ——» H](Z) — Hz(z) — Ha(z) Eamms 4

modulator

Sinct* ! FIR filter Halfband FIR filters Sinc compensation
FIR filter
(b)

Fig. 14.18 Multi-stage decimation filters: {q} sinc followed by an !iR filter;
{b} sinc followed by halfband filters.

The sinc™ "' FIR filter is a cascade of L + 1 averaging filters where the transfer

function of a single averaging filter, T,,4(2), is given by

Yy 1S

Tawg(@ = 5 = = M E& z (14.35)
and M isthe integer ratio of f, to 8f, (i.e., 8f;, = f,/M). Note that the impulse response
of this filter is finite, implying it is an FIR-type filter. In addition, all of its impulse
response coefficients are symmetric (in fact, they are all equal), and thus itis also a linear-
phase filter.® Finally, note that the 1/M multiplication term is easily realized by chang-
ing the location of the fractional bits when M is chosen to be a power of two,

As an illustration of a series of averaging filters reducing quantization noise, con-
sider an average-of-four filter (i.e., M = 4) operating on the output of the 1-bit signal
in Example 14.4. Since the output 1-bit sequence is {1, 1,-1, 1, 1,-1,1,1,-1,... },
the first averaged output, x,,,{n), would be given by

Xpi(N) = {0.5,0.5,0.0,0.5,0.5,0.0,...}

To obtain more attenuation of the quantization noise, the signal X,,(n) can also be
applied to a running-average-of-four filter, giving Xp,(n) as

Xpo(n) = {0.375,0.375,0.25,0.375, 0.375,0.25, .. . }
and repeating this process to get X,55(N) would give
Xip3(N) = {0.344,0.344, 0.313,0.344, 0.344, 0313, . . . }

6. A linear-phase filter results in all frequency components being delayed by the same amount and is there-
fore desirable in applications where phase distortion is unwanted {such as hi-fi audio).

566 of 720




14.4 Digital Decimation Filters 553

Note the convergence of these sequences to a series of all samples equalling 1/3 as
expected.

To show that the frequency response of an averaging filter, T,.4(2), has a sinc-
type behavior, it is useful to rewrite (14.35) as

M-l
MY(2) = (Z z'}U(z) =(1+2'+z2 - +z2M U (14.36)
1=0

which czan also be rewritten as
MY@) = (2" +2 7+ +2"U@) + (1 -2 U@

(14.37)
Mz 'Y(z) + (1 -zMU@)

Finally, we group together Y(Z) terms and find the transfer function of this averaging
filter can also be written in the recursive form as

-M
Tag(2) = Y@ _ i(l _Z ] (14.38)

U(Z) M ] — Z_]

The frequency response for this filter is found by substituting z = e/®, which

results in
. ((DM)
sin¢g| —
2 -

Tage®) = ——— (14.39)

~(3)
sinc| —
2
where sinc(X) = sin(X)/X.
A cascade of L + 1 averaging filters has the response T g,.(Z) given by

I 1 _MnL+]

4

Tsinc(Z) = —7 ]{ _[J (14.40)
M 1-2

The reason for choosing to use L + 1 of these averaging filters in cascade is similar to the
argument that the order of the analog low-pass filter in an oversampling D/A converter
should be higher than the order of the AZ modulator. Specifically, the slope of the atten-
uation for this low-pass filter should be greater than the rising quantization noise, so that
the résulting noise falls off at a relatively low frequency. Otherwise, the noise would be
integrated over a very large bandwidth, vsually causing excessive total noise.

An efficient way to realize this cascade-of-averaging filters is to write (14.40) as

L+1 1
]J (1-2")"! (14.41)

L+1
M

Tsinc(z) = (
-2

and thus realize it as shown in Fig. 14.19 [Candy, 1992]. A point to note here is that at
first glance it appears as though this circuit will not operate properly due to a dc input
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In Out
M

(Integrators} (Differentiators)
(a)
In Out
.. _,(2_ S/ @_. . g >
‘ z z' 4J fs L z’ - L z' -
5 M 4 L
ft g f./M fs/M
(Operate at high clock rate) (b) (Operate at low clock rate)

t Fig. 14.19 Redlizing T,(2) as a cascade of integrators and differentiators: {a] downsampling
] performed after all the filtering; (b] a more efficient method where downsampling is done before
the differentiators.

|
}
i causing saturation of the discrete-time integrators. Fortunately. such a result does not
i oceur when 2’s-complement arithmetic is used due to its wrap-around characteristic.
i Specifically, although the dc levels at the integrator outputs may be incorrect, the dif-
ferentiators compare the present sample with that of M samples past while rejecting
the de component. Thus, as long as this difference is properly maintained (as it would
be using 2’s-complement arithmetic) the correct calculation is performed.

Referring once again to Fig. 14.18, the purpose of the filters following the
! Tino(2) filter is twotold. One reason for their use is to remove any higher-frequency
‘j input signals (in effect, a sharp anti-aliasing filter) before the signal is downsampled to
‘ the final Nyquist rate (i.e., 2f,). In other words, while the T g ,(2) filter is good at fil-
tering out the quantization noise, it is not sharp enough to act as a reasonable anti-alias-
ing filter for input signals slightly higher than f,. A second reason is to compensate for
f the frequency drop in the passband caused by the T, .(2) filter. This anti-aliasing and
sinc-compensation filter might be realized using a single IIR filter, as shown i
; Fig. 14.18(a). Alternatively, a few halfband FIR filters might be used together with a
separate sinc-compensation FIR filter, as shown in Fig. 14.18(b). A halfband FIR filter
has a passband from 0 to 7t/2, while its stopband is from 1/2 to © with every second
coefficient being zero [Vaidyanathan, 1993]. Thus, with a high enough filter order, its
output can be downsampled by a factor of two. It has also been shown that in some
applications, these halfband and sinc-compensation filters can be realized using no
general multi-bit multipliers [Saramaki, 1990].

Single Stage

Another approach for realizing decimation filters is to use a relatively high-order FIR
\ filter. For example, in [Dattorro, 1989], a 2048 tap FIR filter was used to decimate
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1-bit stereo outputs from two AZ modulators, each having an oversampling ratio of
64. While this FIR order seems high, note that no multi-bit multiplications are
needed, since the input signal is simply I-bit, so all multiplications are trivial. In
addition, the output need only be calculated at the Nyquist rate {intermediate samples
would be discarded anyway) such that 2048 additions are required during one clock
cycle at the Nyquist rate. However, if only one accumulator is used to perform all
2048 additions, the clock rate of that accumulator would be 2048 times the Nyquist
rate. For example, if the Nyquist rate is 48 kHz, the single accumulator would have
to be clocked at 98.3 MHz. To overcome this high clock rate, 32 separate FIR filters
are realized (with shared coefficients) in a time-interleaved fashion, with each FIR
having 2048 coefficients and each producing an output at a clock rate of 1.5 kHz. In
this way, each of the 32 FIR filters uses a single accumulator operating at 3 MHz
{i.e., 2048 times 1.5 kHz). The coefficient ROM values were shared between the FIR
filters (as well as in the two stereo channels), and the ROM size can also be halved
if coefficients are duplicated, as in the case of linear-phase FIR filtering.

Finally, it is also possible to reduce the number of additions by grouping together
input bits. For example, if 4 input bits are grouped together, then a 16-word ROM
lookup table can be used rather than using 3 additions. With such a grouping of input
bits, each of the 32 FIR filters would require only 512 additions.

14.5 HIGHER-ORDER MODULATORS

In general, it can be shown that an Lth-order noisezshaping modulator improves the
SNR by 6L + 3 dB/octave, or equivalently, L + 0.5 hits/octave. In this section, we
lock at two approaches for realizing higher-order modulators—interpolative and
MASH. The first approach is typically a single high-order structure with feedback
from the quantized signal. The second approach consists of a cascade of lower-order
modulators, where the latter moedulators are used to cancel the noise errors introduced
by the earlier modulators.

Interpolative Architecture

As discussed earlier, when compared to the error-feedback structure, the interpolative
structure of Fig. 14.6(«a) is much better suited to analog implementations of modula-
tors due to its reduced sensitivity. One of the first approaches for realizing higher-
order interpoiative modulators was presented in [Chao, 1990]. It used a filtering
structure very similar to a direct-form filter structure: however, a direct-form-type
structure made it sensitive to component variations, which can cause the zeros of the
noise transfer function to move off the unit circle. To improve component sensitivity,
resonators can be used together with a modified interpolative structure, as shown in
Fig. 14.20 [Ferguson, 1991}, Note here that a single 1-bit D/A signal is still used for
feedback. and therefore its linearity will be excellent. The resonators in this structure
are due to the feedback signals associated with f, and f,, resulting in the placement
of zeros in the noise transfer function spread over the frequency-of-interest band.
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Fig. 14.20 A block diagram of a fifth-order modulator.

Such an arrangement gives better dynamic range performance than placing all the
zeros at dec as we have been assuming thus far.

Unfortunately, it is possible for modulators of order two or more to go unsta-
ble, especially when large input signals are present. When they go unstable, they
may never return (o stability even when the large input signals go away. Guarantee-
ing stability for an interpolative modulator is nontrivial and is discussed further in
Section 14.7.

Multi-Stage Noise Shaping (MASH) Architecture

Another approach for realizing modulators is to use a cascade-lype structure where
the overall higher-order modulator is constructed.using lower-order ones. The advan-
tage of this approach is that since the lower-order modulators are more stable, the
overall system should remain stable. Such an arrangement has been called MASH
{Multi-stAge noise SHaping) [Matsuya, 1987].

The arrangement for realizing a second-order modulator using two first-order
modulators is shown in Fig. 14.21. The basic approach here is to pass along the first
section’s quantization error, € (N}, to another modulator and combine the outputs of
both modulators in such a way that the first section’s quantization noise is removed
completely. The output is then left with only the second section’s quantization noise,
which has been filtered twice—once by the second modulator and once by the post
digital circuitry. Assuming linear models for the quantizers, straightforward linear
analysis gives

Y(2) = 27U@2) - (1 -2 'Y’ Ex2) (14.42)
Thus, a MASH approach has the advantage that higher-order noise filtering can be
achieved using lower-order modulators. The lower-order modulators are much less
susceptible to instability as compared to an interpolator structure having a high order
with a single feedback.

Unfortunately, MASH or cascade approaches consisting of a cascade of first-
order stages are sensitive to finite opamp gain and mismatches between the analog

and digital circuitry. Such mismatches in the above example cause first-order noise to
leak through from the first modulator and hence reduce dynamic range performance.
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u(n) 2 um + (1-2 He,n)

y(n)
e,(n) +

z'e,(my+ (1-2 e n

Analog Digital

Fig. 14.21 A secondorder MASH modulator using twe firstorder modulators.
Note that the output, y(n}, is a fourlevel signal.

To alleviate this mismatch probiem, often the first stage is chosen to be a higher-order
modulator such that any leak-through of its noise does not have as serious an effect as
it would if this first modulator was first-order, For example, a third-order modulator
would be realized using a second-order modulator for the first stage and a first-order
madulator for the second stage. Also, it is very Important to minimize errors due to
input-offset voltages that might occur because of clock feedthrough or opamp input-
offset voltages. Typically, in practical realizations additional circuit design techniques
will be employed to minimize these effects,

Finally, note that the use of this MASH approach results in the digital output sig-
nal, y(n), being a four-level signal (rather than two-level) due to the combination of
the original two-level signals. Such a four-level signal would require a linear four-
level D/A converter in a D/A application. For A/D applications, it makes the FIR dec-
imation filter slightly more complex.

14.6 BANDPASS OVERSAMPLING CONVERTERS

As we have seen, oversampling converters have the advantage of high linearty
through the use of 1-bit conversion and reduced anti-aliasing and smoothing-filter
requirements. However, at first glance some signals do not appear to easily lend them-
selves to oversampling approaches such as modulated radio signals. Such signals have
information in only a small amount of bandwidth, say 10 kHz, but have been modu-
lated by some higher-frequency carrier signal, say 1 MHz. For such applications, one
can make use of bandpass oversampling converters.

In low-pass oversampling converters, the transfer function H(Z) in Fig. 14.6 is
chosen such that it has a high gain near dc, and thus quantization noise is small around
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dc. In a similar way, bandpass oversampling converters are realized by choosing
H(z) such that it has a high gain near some frequency value, f.. [Schreier, 1989].
With such an approach, the quantization noise is small around f,, and thus most of the
quantization nois¢ can be removed through the use of a narrow bandpass filter of total
width f, following the modulator. Thus, in the case of a bandpass A/D converter
intended for digital radio, post narrowband digital filtering would remove quantiza-
tion noise as well as adjacent radio channels. In addition, further digital circuitry
would also perform the necessary demodulation of the signal.

An important point here is that the oversampling ratio for a bandpass converter is
equal to the ratio of the sampling rate, f¢, to two times the width of the narrowband
filter, 2f,, and it does not depend on the value of f,. For example, consider a band-
pass oversampling converter having a sampling rate f, = 4 MHz, which is intended
to convert a 10 kHz signal bandwidth centered around 1 MHz (or f, = f,/4). In this
case, f, = 10 kHz, resulting in the oversampling ratio being equal to

OSR = —fi— = 200 (14.43)
2f,

To obtain a high gain in H(z) near f_, a similar approach to the low-pass case is
taken. In a first-order low-pass oversampling converter, H(Z) is chosen such that it
has a pole at dc (i.e., Z = 1) and such that the noise transfer function, Ng(2), has a
zero at dc. In a second-order bandpass oversampling converter with f, = f./4, H(z)
is chosen such that it has poles at e = 1j. In other words, H(Z) is a resonator that
has an infinite gain at the frequency f,/4. The zeros of the noise transfer function for
this type of second-order oversampling converter are shown in Fig. 14.22, together
with a similar low-pass case.

A block diagram for the example bandpass modulator is shown in Fig. 14.23,
where one can derive H(z) to be given by

z

H(z) = > (14.44)
z2°+1
f/4 = 1 MHz z-plane fs/4 = 1 MHz z-plane
s \ O_zero O—Zero
&
de dc
/‘2%* p | ‘/’
7 Y AN
f/2 K i< 4 MHz /2 = 4 MHz
f, = 10 kHz . = 10 kHz
f f
a OSR = — = 200 b = == = 200
(a) o1, {b) OSR ar,

Fig. 14.22 Noise-ransterfunction zeros for oversampling converters: (g} firstorder low-pass;
(b} second-order bandpass.
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..............
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Quantizer

______________

Fig. 14.23 A second-order bandpass oversampling modulator
that shapes the quantizotion noise away from fo/4.

Note that this second-order example has poles at 4j, and therefore the noise trans-
fer function, Ntg(Z), has only one zero at j and another zerc at —j. For this reason, the
dynamic range increase of a second-order bandpass converter equals that of a first-
order low-pass converter that also has only one zero at dc. Specifically, the dynamic
range increase of a second-order bandpass converter is 1.5 bits/octave or, equiva-
lently, 9 dB/octave. To obtain the equivalent dynamic range increase of a second-order
low-pass converter {i.e., 15 dB/octave), a fourth-order bandpass converter would have
to be used. The first design of an integrated bandpass oversampling A/D converter was
presented in [Jantzi, 1993].

14.7 PRACTICAL CONSIDERATIONS

Stability

As with any feedback-type system, delta-sigma modulators have the potential to go
unstable, A stable modulator is defined here as one in which the input (or inputs) to
the quantizer (or quantizers) remains bounded such that the quantization does not
become overloaded. An overloaded quantizer is one in which the input signal goes
beyond the quantizer’s normal range, resulting in the quantization error becoming
greater than +A/2.

Unfortunately, the stability of higher-order 1-bit modulators is not well under-
stood as they include a highly nonlinear element (a 1-bit quantizer), resulting in the
system being stable for one input but unstable for another. As a general rule of thumb,
keeping the peak frequency response gain of the noise-transfer function, N1g(2), less
than 1.5 often results in a stable modulator [Chao, 1990].7 In mathematical terms,

INte(e!®)| <15  for0<ws<n (14.45)

should be satisfied for a 1-bit quantizer. It should be noted that this stability criterion
has little rigorous justification and that there does not presently exist any necessary
and sufficient stability criterion for AX modulators having arbitrary inputs. There is,

7. A figure of 2 was used in the reference but 1.5 appears to be a more practical choice.
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however, a rigorous 1-norm stability test (which is sufficient but not necessary), but it
is often too conservative, as it eliminates many ‘“stable” modulators [Anastassiou,
1989]. For a summary of stability tests for AX modulators, the reader is referred to
[Schreier, 1993].

It should be mentioned here that the stability of a modulator is also related to the
maximum input signal level with respect to the 1-bit feedback as well as the poles of
the noise transfer function. Specifically, a modulator can be made more stable by plac-
ing the poles of the system closer to the noise-transfer-function zeros. Also, a more sta-
ble modulator allows a larger maximum input signal level. However, this stability
comes at a dynamic-range penalty since less of the noise power will then occur at out-
of-band frequencies, but instead the noise will be greater over the in-band frequencies.

Since the stability issues of higher-order modulators are not well understood {par-
ticularly for arbitrary inputs), additional circuitry for detecting instability is often
included, such as looking for long strings of 1s or Os occurring. Alternatively, the signal
amplitude at the input of the comparator might be monitored. If predetermined ampli-
tude thresholds are exceeded for a specified number of consecutive clock cycles, then
it is assumed that the converter has gone (or is going) unstable. In this case, the circuit
is changed to make it more stable. One possibility is to turn on switches across the
integrating capacitors of all integrators for a short time, This resets all integrator outputs
to zero. A second alternative is to change the modulator into a second- or even first-order
modulator temporarily by using only the first one or two integrators and resetting other
integrators. Another possibility is to eliminate the comparator temporarily and feed back
the input signal to the comparator. This changes the modulator into a stable filter.

Finally, it should be mentioned that modulators having multi-bit DACs appear to
exhibit improved stability over their 1-bit counterparts but often require high-linearity
DACs. There have been a number of architectures proposed to lessen the linearity
requirements on the DACs, as described in Section 14.8.

Linearity of Two-Level Converters

It was stated earlier that 1-bit D/A converters are inherently linear since they need

only produce two output values and two points define a straight line. However, as B
usual, practical issues limit the linearity of D/A converters having only two output B
levels. It should be pointed out here that most of the linearity issues discussed below »
are also applicable to multi-level converters, but we restrict our attention to two-level F
caonverters for clarity,

One limitation ts when the two output levels somehow become functions of the
low-frequency signal they are being used to create. For example, if the two voltage lev-
els are related to power supply voltages, then these power-supply voltages might
slightly rise and fall as the circuit draws more or less power. Since typically the amount
of power drawn is related to the low-frequency signal being created, distortion will
occur. A mechanism whereby this occurs is if a different amount of charge is being
taken from the voltage references when a 1 is being output from the 1-bit D/A con-
verter, as opposed to when a 0 is being output from the D/A converter. A somewhat
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more subtle but similar mechanism can occur due to the clock feedthrough of the input
switches. This feedthrough is dependent on the gate voltages driving the input switches
and therefore on the power-supply voltages connected to the drivers of the input
switches. It is possible that these voltages can change when more 1s than Os are being
output by the D/A converter; having well-regulated power-supply voltages on the driv-
ers for the input switches is very important. A similar argument can be made about any
clock jitter in the converter. Thus, for high linearity it is important that the two output
levels and associated clock jitter not be a function of the low-frequency input signal.

A more severe linearity limitation occurs if there is memory between output lev-
els. For example, consider the ideal and typical output signals for a two-level D/A con-
verter, shown in Fig. 14.24. The area for each symbol is defined to be the integral of
the waveform over that symbol’s time period. Notice that for the typical output signal,
the area is dependent on the past symbol and that difference is depicted using §,. As an
illustrative example, consider the average voltage for three periodic patterns corre-
sponding to average voltages of 0, 1/3,and -1/3 when V, and V, are +1 volt.

In the ideal case, both 6, and &, are zero as the waveform is memoryless. Thus,
the three periodic patterns 0, 1/3, and ~1/3 resuit in the following averages:

— A+A
0: {1,-1,1,-1,1,-1,1,-1,... } > v, = S

— 2A +A, ;
1/3: {1,1,—1,1,1,—1,1,1,~1,...}—)Vb(t)=-——3-— i

- — A +2A
/30 {-1L,-L,L,-1,-1,1,-1,-1,1, . } s v =

By calculating the differences, vy(t) - v,(8 and v (1) - v (D), and noting that they
are identical, we conclude that v, (1), v,(t), and v (1) lie along a straight line and
therefore this memoryless D/A converter is perfectly linear.

In the typical waveform case, the three periodic patterns result in the following

averages: |
— A +A+5,+8, 5, + 86,
0: {L-1,1,-1,... } > v4h) = =V, () +
Typical ~a
Ideal . .
ea ~
Bnay 1 1 ¢ 1t o4t g
Area for A, + 3, A, Ay + B, Aq A, +8, Ay + 38, A, +8,

symbol

Fig. 14.24 A nonreturnto-zero [NRZ} 1-bit D/A converter typical output.

575 of 720




W
‘-
i
i
|

562  Chapter 14 ¢ Oversampling Converters

Typical ~a

Ideal

Binary . o1 .
Area for A, A, Ay
symbol

Fig. 14.25 A returnto-zero {RTZ) coding scheme, which is one example of a memoryless coding
scheme.

— 2A +A 40,48, — §+9,
173 {1, L-1,...} = vb = 3 = V() +
— A +2A,+5,+9, 5 +9d,
-1/73: {-1,-1,1....}>vih= : =v.(D+
Now, these three averages do not lie on a straight line except when &, = -9,.

Thus, one way to obtain high linearity is to match falling and rising signals—a very
difficult task since they are typically realized with different types of devices.

A better way to obtain linearity without matching rising and falling signals of the
DYA converter is to use some sort of memoryless coding scheme. For example, con-
sider the return-to-zero coding scheme shownin Fig. 14.25. It is not difficult to see
here that since the area of one output bit does not depend on any previous bits, the
coding scheme is memoryless and the output signal will remain linear. Naturally,
other memoryless schemes can also be used, such as using two levels of opposite
signs but ensuring that the signal settles to ground between samples.

It is of interest to see how this memoryless coding is applied in oversampling A/D
converters. Presently, most oversampling A/D converters are realized using a
switched-capacitor technology for linearity reasons. Switched capacitor circuits nata-
rally realize memoryless levels as long as enough time is left for settling on each clock
phase. In other words, switched-capacitor circuits implement memoryless coding
since capacitors are charged on one clock phase and discharged on the next. For the
same reason, the first stage of filtering in oversampling D/A converters is often real-

_ized using switched-capacitor filters, which is followed by continuous-time filtering.
However, some type of memoryless coding should be used when high linearity is
desired from a 1-bit D/A output either fed directly to a continuous-time filter in an
oversampling D/A or used in the internal operation of a continuous-time oversampling
A/D converter.

Idle Tones

Consider the case of applying a dc level of 1/3 to a first-order AYX modulator having a
1-bit quantizer with output levels of *1 (as in Example 14.4). With such an input, the
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output of the modulator will be a periodic sequence of two 1s and one —1. In other
words,

yin) ={1,1,-1,1,1,-1, 1, 1,...} (14.46)

This output periodic pattern is three cycles long and its power is concentrated at dc
and /3. Although the output pattern is periodic, the post low-pass filter will elimi-
nate the high-frequency content such that only the dec level of 1/3 remains.

Now consider applying a dc fevel of (1/3 +1/24) = 3/8 to the same modula-
tor. For this case. the output sequence becomes

yin) =41, L1, 1,1, -0 1L, 0,-1,1, L, -1, 1,0, 1, -1, 1, L, =1,...}  (14.47)

The period of this output pattern is now 16 cycles long and has some power at f./16.
With an oversampling ratio of eight (i.e.. f, = {,/16), the post low-pass filter will
not attenuate the signal power at f_/16 since that frequency is just within the fre-
quency band of interest. In other words, a dc level of 3/8 into this modulator will
produce the correct de output signal but have a superimposed f./ 16 signal on it even
when using a brick-wall type low-pass filter.

While the above example shows a tone occurring at f,/16, it is not difficult to
find other cases that would produce frequency tones at much lower frequencies, say
f,/256. Such low-frequency tones will not be filtered out by the next stage low-pass
fifrer and can lead to annoying tones in the audible range.8 In addition, although a
first-order modulator was used in the above example, it has been shown that annoying
audible tones exist even in higher-order modulators [Norswerthy, 1993]. Finally, it
should be mentioned that these tones might not lie at a single frequency but instead be
short-term periodic patterns. In other words. a tone appearing near 1 kHz might actu-
ally be a signal varying between 900 Hz and 1.1 kHz in a random-like fashion.

Dithering

One way to reduce the amount of idle tones in modulators is through the use of dither-
ing. The term dithering here refers to the act of introducing some random (or pseudo-
random) signal into a modulator.
Assuming the random signal to be introduced has a white-noise type spectrum,
then the most suitable place to add the dithering signal is just before the quantizer, as
shown in Fig. 14.26. The reason for adding it at this location is so that the dithering
; signal becomes noise shaped in the same manner as the quantization noise, and thus a
large amount of dithering can be added. Typically, the dithering signal is realized
using some sort of pseudo-random number generator with only a few bits of resolution,
but its total noise power is comparable to the quantization noise power. Thus, the use
of dithering in a /A converter would require a small additional digital adder, while a
small D/A converter would be needed in an oversampling A/D converter.
It should be noted that the use of dither to reduce idle tones is not an attempt to
add noise to mask out the tones but instead breaks up the tones so that they never

8. Human hearing can detect tones buried beneath white acise.
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Dither signal
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Quantizer

Fig. 14.26 Adding dithering to a delta-sigma modulator. Note that
the dithered signal is also noise shaped.

occur. However, since the noise power of the dithering signal is similar to the quanti-
zation noise power, the use of dithering adds about 3 dB extra in-band noise and often
requires rechecking the modulator’s stability.

‘r Opamp Gain

i In Chapter 10, we saw that a switched-capacitor integrator with a finite opamp gain,
A, results in the pole of the integrator moving to the left of z = 1 by an amount
1/A (see Problem 10.4 and assume C, =C, as is typical in oversampled convert-
) ers). With this knowledge, we can determine the new NTF zeros due to finite opamp
gain by substituting Z— 1 with z — (I — 1/A). In other words, we substitute all ideal
. integrators with damped integrators and recalculate the transfer functions. Such an
approach results in the NTF zeros, which were located at z = 1 for a low-pass
i design, to be moved to z = (1 — 1/A). Thus, the shaped quantization noise does not
' drop to zero at dc but instead levels off near dc. Such a zero near Z = 1 results in
the 3-dB break frequency being approximately equal to 1/A rad/sample. Now, we
note that the frequency band of interest, f,, should be greater than 1/A rad/sample
_ since the shaped quantization noise is flat below that level. In other words, if f; is
below where the quantization noise flattens out, then we are not obtaining any further
| noise-shaping benefits. Thus, any further doubling of the oversampling ratio will
only improve the SNR by 3 dB/octave. Finally, we can write the following require-
1 ment,

‘ fo 1/A

f,” 2m

(14.48)

1 and recalling that OSR = f,/(2f,), we can rearrange the above to

OSR
T

A>

(14.4%)

Of course, some approximations have been made here, such as having the two
capacitors of the integrator equal (that is C, = C,) and having the 3-dB break point
being sharp, as well as allowing noise to be flat from dc to f, (rather than shaped). In
summary, designers will typically ensure that the opamp gain is at least twice the
oversampling ratio, which is not usually a difficult requirement.
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In addition, the above analysis only applies for modulators having a single D/A
feedback and does not apply to MASH or cascade modulators, where larger opamp
gains are often required to aid matching between digital and analog signal paths.

14.8 MULTI-BIT OVERSAMPLING CONVERTERS

Although 1-bit oversampling converters have the advantage that they can realize
highly linear data conversion, they also have some disadvantages. For example,
1-bit oversampling modulators are prone to instability due to the high degree of
nenlinearity in the feedback. Another disadvantage is the existence of idle tones, as
previously discussed. Additionally. in oversampling D/A converters. the use of a
1-bit D/A converter results in a large amount of out-of-band quantization noise,
which must be significantly attenuated using analog circuitry. Such a task often
requires relatively high-order analog filtering (recall that the low-pass filter should
be at least one order higher than the modulator order). Also, the dynamic range of
the analog filter may have to be significantly higher than the converter’s dynamic
range since the filter’s input must cope with power of both the guantization noise
and signal itself. Since the guantization noise may be up to 15 dB larger in level
than the signal level, such an extension in the dynamic range makes the realization
of analog filters for oversampling D/A converters nontrivial. The use of a multi-bit
D/A converter can significantly reduce this large amount of quantization noise, but
care must be taken to ensure that the multi-bit converter remains linear. Typically,
a multi-bit oversampling system would be similar to that shown in Fig. 14.16, i
except that an M-bit quantizer would be used in the digital modulator, and its output
would drve an M-bit D/A converter. This section wil} briefly discuss some multi- !
bit oversampling converter architectures that employ methods so that the overall
system remains highly linear. |

Multi-bit Randomizer D/A Converter

One approach for realizing a multi-bit D/A converter intended for oversampling sys-
tems is that of dynamic element matching [Carley, 1989]. With this approach, a
thermometer-code D/A converter is realized. and randomization is used to effectively
spread the neonlinearity over the whole frequency range. For example, a 3-bit D/A
converter using dynamic element matching is shown in Fig. 14.27. Here, the 8-line
randomizer makes use of a pseudo-random code to distribute the thermometer lines
equally to each of the unit capacitances, C. One point to note here is that the mis-
match “noise” from this multi-bit converter is not shaped by any feedback loop and
therefore appears more white than high-pass filtered. In [Carley, 1989], the resulting
multi-bit oversampling D/A converter had 15-bit linearity while using peak clement
mismatches of 0.2 percent.

Recently, this dynamic element matching has been extended to include noise
shaping the nonlinearity introduced by the DAC [Chen, 1995; Adams, 1995; Baird,
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Fig. 14.27 Dynamic element matching 3-bit D/A converter.

1995]. This new approach is quite promising, since much lower oversampling ratios
can be used while maintaining high linearity with a reasonably coarse DAC mis-
match.

Dynamic Matched Current Sources in a D/A Converter

Another method of maintaining high linearity in an oversampling D/A system is

through the use of a highly linear D/A converter operating at the fast oversampling

rate. Such high linearity has been achieved using dynamically matched current

sources similar to those described in Chapter 12 [Schouwenaars, 1991). With this
approach, a 5-bit D/A converter operating at 5.6 MHz was used to realize an effective

90 dB of dynamic range with a full-scale 0-dB input signal. Also, when an input sig- .
nal of -30 dB (relative to full scale) was applied, the noise plus distortion was -85 dB '
lower than the signal power, indicating an effective dynamic range of 115 dB. The

output bandwidth of the converter was d¢ to 20 kHz.

Digital Calibration A/D Converter

One way to make use of a multi-bit D/A converter in an oversampling A/D modulator
is to have a calibration cycle where digital circuitry is used to model the static nonlin-
earity of the D/A converter, as shown in Flg 14.28 [Larson, 1988]. With this approach,

the multi-bit digital signal X,(n) creates N output levels at X,(n), which are consis-
tent in time but not necessarily linearly related to X,(n). However, the feedback loop of
the modulator forces the in-band frequency of x,(n) to very closely equal u(n), and
thus x,{(n) is still linearty related to u(n). Through the use of the digital correction cir-
cuitry, the signal y(n) also equals X,(n} if its nonlinearity equals that of the D/A con-
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Fig. 14.28 Digitally corrected multi-bit A/D modulator.

verter. To realize this digital correction circuitry, a 2N word look-up RAM is used
where the size of each RAM word is at least equal to the desired linearity. For exam-
ple, if a 4-bit D/A converter is used and 18 bits of linearity is desired, then the digital
correction circuitry consists of a 16-word RAM, each of length 18 bits or greater (or
equivalently, a 288-bit RAM). Furthermore, this RAM size can be reduced by digitiz-
ing only the difference between the desired linearity and the expected linearity of the
D/A converter [Sarhang-Nejad, 1993]. For example, if the D/A converter is expected
to have a linearity of at least 9 bits, then the RAM need only have a word length of 10
bits for 18-bit overall linearity.

The calibration of the digital correction circuitry can be accomplished by recon-
figuring the AZ A/D modulator to a single-bit system. Next, the input to this 1-bit
converter is one of the 4-bit D/A converter levels 1o be calibrated. In other words, the
multi-bit converter’s input is held constant while its output is applied to the 1-bit A/D
modulator for many clock cycles. The resulting 1-bit signal is digitally low-pass fil-
tered and gives the desired digital equivalent value of that particular dc level for the
D/A converter. This procedure is repeated 16 times to find all the 16 words of RAM.

Finally, it should be mentioned that a similar approach can be used to improve the
linearity of a multi-bit oversampling D/A converter, except in this case the digital cor-
rection circuit would be in the feedback portion of the digital modulator,

A/D with Both Multi-Bit and Single-Bit Feedback

Another very interesting alternative architecture uses both multi-bit feedback and
single-bit feedback {Hairapetian, 1994]. A third-order example of this A/D is shown
in Fig. 14.29. If one assumes that the errors due to the quantization of the 1-bit A/D
and 5-bit A/D are Q,, and Q, respectively, and also that the 5-bit D/A injects errors
due to its nonlinearity given by Qy, then by applying a linear analysis to the system
of Fig. 14.29 it can be shown that

] (1-z1)? z'(1-z1)?
V@) = U@z 1+ Qe o 5 - @
Q z-l(1 —z1)-2 -
By
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To find the poles of the system (i.e., the roots of D(2)), we need to ensure modulator
stability while shaping as much quantization noise away from dc as possible. To
ensure modulator stability, recall that a heuristic approach is to restrict the peak NTF
to be less than 1.5. However, to shape the quantization noise away from dc, we wish
to make the NTF as large as possible outside the frequency band of interest. Thus, the
best NTF choice would be one which has a flat gain of 1.4 at high frequencies. Such a
high-pass filter is obtained (i.e., no peaking in the NTF) when the poles are placed in a
Butterworth configuration, as shown in Fig. 14.30. Thus, the denominator is found
using digital filter software to design a third-order high-pass digital filter where the
passband is adjusted until the peak NTF is less than 1.4 (i.e., |NTF(e"°)| < 1.4). Spe-
cifically, with a passband edge at /20, a third-order'Butterworth high-pass filter has
a peak gain equal to 1.37, and thus the NTF(2) is given by
3
NTF(@) = — EZ -1 (14.53)
z -2.37412" + 1.92942z — (0.5321

Now, by rearranging (14.16), we can find H(2) in term of NTF(z), resulting in

H(z) = 1-NTF(z) (14.54)
NTF(z)

which, for the function given in {14.53), results in
0.6259z° - 1.07062 + 0.4679

Hz) = 14.55
() D (14.55)

Next, a suitable implementation structure is chosen, In this case, a cascade-of-
integrators structure was used. as shown in Fig. 14.31. The «; coefficients are
included for dynamic-range scaling and are initially set to o, = o; = 1, white the
last term, o, is initially set equal to ;. By initially setting o, = [§;, we are allowing
the input signal to have a power level similar to that of the feedback signal, y(n). In
other words, if o, were initially set equal to one and [, were quite small, then the cir-
cuit would initially be stable for only small input-signal levels.

Coefficient values for (§; are then found by deriving the transfer function from the
1-bit D/A output to V, and equating that function to —H(z) in (14.55). Specifically,
assuming o, = ¢, = 1, we find the following H(zZ):

22([31 +B.+B3)-z(By + 2B5) + Bs

H = 14.56
(@) P (14.56)

w=T/2 z-plane
\Aj p

Three zeros atw = 0
—1 X
5N

N 1 .
© =7 \ Fig. 14.30 Pole and =zero
Butterworth poles

locations for the third-order
NTF,
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To find the poles of the system (i.e., the roots of N2)), we need to ensure modidator
stability while shaping as much quantization noise away from dc as possible. To
ensure modulator stabifity, recall that a heuristic approach is to restrict the peak NTF
to be less than 1.5. However, 1o shape the quantization noise away from dc, we wish
to make the NTF as large as possible outside the frequency band of interest. Thus, the
best NTF chotce would be one which has a flat gain of 1.4 at high frequencies. Such a
high-pass filter is obtained (i.e., no peaking in the NTF) when the poies are placed in a
Butterworth configuration, as shown in Fig. 14.30. Thus, the denominator is found
using digital filter software to design a third-order high-pass digital {ilter where the
passband is adjusted until the peak NTF is less than 1.4 (i.¢., INTF(e“")l < 1.4). Spe-
cifically, with a passband edge at f,/ 20, a third-order'Butterworth high-pass filter has
a peak gain equal to 1.37, and thus the NTF(2) is given by

(z-1)
20— 2.37412° + 1.92942 - 0.532}

NTF(Z) = (14.53)

Now, by rearranging (14.16), we cat find H{(2) in term of NTF{z), resuhing in

1 -NTF(z)
H{z) = ————— 14.54
@) NTF(z) ¢ )

which, for the function given in (14.53), results in
H(z) = 0.6259z" - 1.07062Z + 0.4679 (14.55)

(z-1)

Next, a suitable implementation structure is chosen, In this case, a cascade-of-
integrators structure was used, as shown in Fig. 14.31. The «o; coefficients are
included for dynamic-range scaling and are initially set to o, = ©, = I, while the
last term, o, 15 initially set equal to f3,. By initially seiting o, = [,, we are allowing
the input signal to have a power level similar 10 that of the feedback signal, y(n). In
ather words, if o, were initially sei equal to one and B, were quite small, then the cir-
cuit would initially be stable for only small input-signal levels.

Coefficient values for B, are then found by deriving the transfer function from the
1-bit D/A output to V, and equating that function to —H(Z) in (14.55). Specifically,
assuming o, = 03 = 1, we find the following H(z):

22([31 + B+ Ba) - 2(B, +2B5) + B;

H(z) = 14.56
(2) — (14.56)

®=n/2 1* Z-plane

Three zerosatw = 0
—1 ¥ X
N

W 3/: \ ! Fig. 14.30 Pole and zero
5 Butterworth poles locations for the third-order
NTF.
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Fig. 14.31 The cascade-ofintegraters structure used to realize the third-order madulator. Note that
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Fig. 14.32 A switched-capacitor realization of the third-order modulator example,
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Equating (14.56) with {14.55), we find an initial set of coefficients to be
o, =00232, a,.=10, o, =10

14.57
B, =00232. PB,=0.1348, B, = 04679 (14.57)

It is then necessary to perform dynamic-range scaling. Dynumic scaling is neces-
sary to ensure that all nodes have approximately the same power level, so that all
nodes will clip near the same level, and there will be no unnecessarity large noise
gains from nodes with small signal levels. Here. dynamic-range scaling was accom-
plished by simulating the system in Fig. 14.31 with the coefficients just given and an
input sinusoidal wave with a peak value of 0.7 at a frequency of m/256 rad/sample.
Following the simulation, the maximum values at nodes V,, V,, V; were found to be
(.1256, 0.5108, and 1.004, respectively. To increase the output level of a node by a
factor k, the input branches should be multiplied by K, while the output branches
should be divided by k. For example, the maximum value of node V, is increased to
unity by multiplying bath ¢, and B, by 1/0.1256 and dividing o, by 1/0.1256.
Similarly, node V, is scaled by dividing 0.1256c., and B, by 0.5108 and multiplying
o; by 0.5108. Node V, was left unchanged, as its maximum value was already near
unity. Such a procedure results in the following tinal values for the coefficients.

o’ = 0.1847. o', =0.2459, o, = 0.5108
B, =0.1847, B, =0.2639, B’ = 0.4679

Finally. the block diagram of Fig. 14.31 can be realized by the switched-capacitor
circuit shown in Fig. 14.32 to obtain the final oversampled A/D converter.

(14.58)
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14.11 PROBLEMS

14.1 Assuming oversampling with no noise shaping and using (14.14), find the
approximate sampling rate required to obtain a maximum SNR of 80 dB on a
signal with a 1-kHz bandwidth using a 1-bit quantizer,

14.2 Repeat Example 14.4, except use a dc input level of 1.2/3. At what fre-
quency would a tone appear (relative to the sampling rate, f;)?

e

14.3 Repeat Example 14.4, except use a dc input level of 1.1 to see if the internal
state of the modulator saturates.

144 Repeat Example 14.4, except use an input sequence of
{10,-10, 10, -10, 10,10, . . .} to see if the internal state of the modulator
saturates. This problem demonstrates that a large level input signal can be
applied to a modulator if its signal power resides at a frequency where the
gain of H(z) is low.
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Given that an 8-bit A/D converter has a SNR of 50 dB but is linear to 12 bits,
what is the sampling rate required to achieve 12 bits of accuracy using straight
oversampling on a signal bandwidth of 1 MHz?

Repeat Problem 14.5, assuming that the 8-bit A/D converter is placed inside a
first-order delta-sigma modulator. What is the sampling rate if a second-order
modulator is used?

Repeat Problem 14.1, assuming a first-order modulator is used. What is the
sampling rate if a second-order modulator is used?

Assuming a [-bit output signal of 1 and a sinusoidal signal of +0.5 peak-to-
peak, what is the ratio of the'signal power to quantization noise power before
any filtering is applied?

What does the block G(z) — 1 need to be in Fig. 14.13 in 2order that a second-
order noise transfer function is realized equal to (1 - 27') ?

Show a switched-capacitor modulator so that the second-order modulator
shown in Fig. 14,10 is realized.

Show that the sequence of {1, 1,-1,1, 1, -1, 1, 1,-1, ...} into a cascade of
three integrators and differentiators shown in Fig. 14.19 gives the correct run-
ning average. Assume that the adders have infinite width and that M = 4,

At first glance, the impulse response of a running average filter of length 4 is
the same as that for a hold system that holds the input signal for length 4. By
producing a block diagram for each system, explain the difference between

the two systems.

Verify (14.42).
Show the block diagram for a MASH architecture that realizes third-order

noise shaping using a second-order modulator {as shown in Fig. 14.10) and a
first-order modulator.

-

Sketch the noise transfer function from 0 to 4 MHz for the second-order band-
pass modulator shown in Fig. 14.23, assuming the sampling rate, f, equals 4
MHz.

Show how the block diagram in Fig. 14.23 can be modified so that the band-
pass modulator places zeros at +f./8 rather than tf_/4,

Using the “typical” waveform pattern shown in Fig. 14.24, find the practical
average outputs when 0, 1./2, and —1/2 have been applied to the first-order
modulator shown in Fig. 14.7.
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CHAPTER

15 Continuous-Time
Filters

There are two main techniques for realizing integrated analog filters. One technique is
the use of switched-capacitor circuits, as discussed in Chapter 10. A switched-
capacitor circuit, although its signal remains continuous in voltage (i.e., it is never
quantized), is, in fact, a discrete-time filter since it requires sampling in the time
domain. Because of this time-domain sampling, the clock rate must always be at least
twice that of the highest frequency being processed to eliminate aliasing. In fact, typi-
cally the clock rate is much greater than twice the signal bandwidth, to reduce the
requirements of an anti-aliasing filter. As a result, switched-capacitor filters are lim-
ited in their ability to process high-frequency signals. Presently, the second most pop-
ular technique for realizing integrated analog filters is continuous-time filtering. As
their name suggests, continuous-time filters have signals that remain continuous in
time and that have analog signal levels. Since no sampling is required, continuous-
time filters have a significant speed advantage over their switched-capacitor counter-
parts.

Although continuous-time filters can operate successfully on high-speed signals,
they do have some disadvantages that have thus far restricted most of their industrial
use to high-speed but otherwise lower-performance applications. One disadvantage is
their need for some sort of tuning circuitry. Tuning is required because their filter coef-
ficients are determined by the product of two dissimilar elements, such as capacitance
and resistor (or transconductor) values. Thus, although switched-capacitor filters have
coefficient accuracies of 0.1 percent, integrated continuous-time coefficients are ini-
tially set to only about 30-percent accuracy! Fortunately, tuning circuitry can set the
filter coefficient accuracy to around | percent at the cost of more (and sometimes com-
plex) circuitry, as we will see in Section 15.7. Another practical disadvantage exhibited
by most continuous-time filters is their relatively poor linearity and noise performance.
Although low-frequency switched-capacitor filters have been realized with nonlinear
distortion and noise performance better than 90 dB, high-frequency continuous-time
filters typically have distortion plus noise performance not much better than 60 dB
(often it is much worse). Fortunately, there are numerous high-speed applications in
which distortion and noise performances are not too demanding, such as many data
communication and video circuits.
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15.1 INTRODUCTION TO G,,-C FILTERS

This section gives a brief intreduction to Gp,-C filters. We will see here that the main
circuit building blocks of G,-C filters are transconductors. The basic functions of
transconductors are described in this section, and circuit techniques for realizing
transconductors are presented in the following sections.

Integrators

An integrator is the main building block for most continuous-time filters. To realize
an integrator in Gp,-C technology, a transconductor and a capacitor can be used as
shown in Fig. 15.1. A transconductor is essentially a transconductance cell (an input
| voltage creates an output current) with the additional requirement that the output cur-
' rent be linearly related to the input voltage. Here, the output of the transconductor is
the current i, and, in the ideal case, both the input and output impedance of this block
are infinite. The output current is linearly related to the differential input voltage sig-
nal by

iO = val (15.1)

where G, is the transconductance of the cell. It should be re-emphasized that this
relationship is different from that of an operational-transconductance-amplifier
(OTA) in that here, the output current should be linearly related to the input voltage.
In addition, a transconductor should have a well-known (or at least controllable)
transconductance value. In the case of an OTA, the transconductance does not neces-
sarily need to be a linear function of the input voltage or a well-controlled value
(though usually the transconductance value should be as large as possible).

This output current is applied to the integrating capacitor, C;, resulting in the
voltage across C, being given by

I G.V;
V, = — = —~ (15.2)
sC, sC,
Defining «,; to be the unity-gain frequency of the integrator, we can write
vV, = (ﬁjvi - (&)vi (15.3)
s sC,
] TFransconductor
& ip = Gpv;
o
1 v, ¥ = o Vo V, = o = Ca, = (%)Vi
. — "" SC1 SC1 8
g IC1 G,
Hin = oo Rout = o° = Wy = —
C,

Fig. 15.1 A single-ended Gy,-C integrator.

589 of 720




576  Chapter 15 = Continuous-Time Filters

1
V, = S—C1(Gm1V1 = GmnaVp + GrgV3)

a—i
o

I
VB o—-]-G 3
m3

Fig. 15.2 A three-input, single-ended integrator/summer circuit.

Thus, we see that the output voltage is equal to the integration of the differential input
voltage multiplied by the integrator unity-gain frequency. which is given by

(15.4)

To realize a more general integrator/summer circuit, one need only connect mulii-

ple transconductors in parallel since the output currents all sum together. An example
of a three-input integrator/summer circuit is shown in Fig. 15.2.

EXAMPLE 15.1

What transconductance is needed for an integrator that has a unity-gain fre-
quency of 20 MHz, assuming a 2-pF integrating capacitor?
Solufion

Rearranging (15.4). we have

G, = 2 x 20 MHz x 2 pF
= (.25] mA/V

(15.5)
Note that this transconductance value corresponds to
G, = 17398 kQ {15.6)
which, not surprisingly. is related to the unity-gain frequency by

2nx20MHz = 1

e (15.7)
398 k2 x 2 pF

In other words, the required transconductance value is the inverse of the
resistance value needed to form an RC time constant that corresponds to the
desired unity-gain frequency.
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Fully Differential Integrators

Although the preceding blocks have all been shown with single-ended signals,1 in
most integrated applications it is desirable to keep the signals fully differential. As
discussed in Chapter 10, fully differential circuits have better noise immunity and dis-
tortion properties. Thus, mostly fully differential circuits are discussed in the remain-
der of this chapter.

A fully differential transconductor has two outpuis—one positive output (current
flowing out for a positive input voltage) and one negative output (current flowing in
for a positive input voltage). With this new degree of freedom (having two outputs
instead of just one), a fully differential integrator can be realized in one of two ways,
as shown in Fig. 15.3.

Note that the integrator shown in Fig. 15.3(a)} requires one-fourth the capaci-
tance needed for the integrator of Fig. 15.3(b) to achieve the same integrator coeffi-
cient. Although at first glance, this increase in size appears to be a disadvantage of
the circuit shown in Fig. 15.3(b), it should be mentioned that fully differential cir-
cuits require some method of common-mode feedback. This requirement is due to
the fact that, although the differential signal remains stable due te connections of
the filter feedback network, the common-mode signal is free to drift if it is not also
controlied using some feedback circuit. As a result, one must also be concerned
with the stability of the common-mode feedback circuit. Since, typically, dominant
pole compensation using capacitors on the output node is often used to stabilize the
common-mode network, the integrator shown in Fig. 15.3(5) has the advantage that
the integrating capacitors, 2C,, can also be used for this purpose. Also, recall that

o For both circuits
> v = 1,/8(2C))
V,+°_+ + Lic, ° v, = vg'fv;
—_——] - -
- Yo Iy =Gy, = -1,/5(2C,)
[+]
v o Jo _ GaVi v o 2l GV

°~ sC, sG, °~ s(2C,)  sC,
Gm Gm

Oy = ‘(‘3_1" Wy = C_1

(a) (b)

Fig. 15.3 Fully differential G.,-C integrators: () single capacitor, {b} two capacitors.
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the single capacitor of the integrator shown in Fig. 15.3(a} must be realized using
integrated capacitors. and thus top- and bottom-plate parasitic capacitances exist.
Since the bottom-plate parasitic capacitance can be quite large {up to 20 percent of
the capacitance value), to maintain symmetry, C, is often realized using two paral-
lel capacitors, as shown in Fig. 15.4. We take the parallel combination of the two
capacitances, which equals C,, and include the effect of the parasitic capacitances,
C,. to obtain the output voltage, given by
GmVi

= = ! (15.8)
s(C,+C,/2)

o

Thus, we see here that the parasitic capacitances atfect the integration coetficient and
must be taken into account.

Parasitic capacitances can also cause linearity problems since these capacitances
are partially nonlinear (as most parasitic capacitances are). To reduce the effects of
these parasitic capacitances, a common approach is 1o realize the integrating function
using a Miller integrator, as shown in Fig. 15.5. As the figure shows, the integrating

o lc,
., —* T +
v Fo—* "'j XL L v
- - = IT, .7
T - .LC
‘o C1 1: 3
vai Gm
Vo= —————~ Wy = —
$(C;+C,/2) (C,+C,/2}

Fig. 15.4 A hully differential integrator maintaining
symmetry and showing porasitic capacitances.

2C,
i
i Y
e e
Vi + o—d+ +j _.|> >< + Vo - 2Io _ vai
——t- - = \ _ s5(2Cy)  sCy
la :( Wy = C—m
1
2C,

Fig. 15.5 A Gp,-C opamp integrator {also called a Miller integrator). Note
the cross coupling of the output wires to maintain a positive integration coef-
ficient. Do not crosscouple the output if a negative coefficient is desired. This
circuit requires that the common-mode voltage of the input nodes [as well as
that of the output nodes) of the fully differential opamp be set to a specified
value.
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: s

1 —e
Viias °—||__, . v - jl—o Viias
— —e
i0+: 2C, 2C, :ﬁio

Fig. 15.6 A simple high-speed differential Miller
infegrator.

coefficient for this G,,,-C opamp integrator is the same as that for the integrator in
Fig. 15.3(b). The advantage of using the extra amplifier is that the effect of parasitic
capacitances is reduced by the gain of the opamp. An additional advantage is that the
output of the transconductance cell drives an opamp virtual ground, and so lower-
output-impedance transconductance cells can be used. Another benefit is that the
transconductance output nodes {i.e., the opamp input nodes) are maintained at a spe-
cific operating voltage set by a common-mode teedback circuit. As a rtesult, the
transconductance output stage can use small voltage swing circuitry, which is easier
to design. Finally, the lower impedances at the transconductor output nodes make
those nodes less sensitive (o capacitive coupling of_noise.

In summary, the addition of this extra opamp can simplify the design of the
transconductance cell’s output stage since the transconductor does not have to swing
a large voltage range; it can have larger (and nonlinear) parasitic capacitances, it
need not have a large output impedance, and it can be less sensitive to noise. The
penalty paid here is a lower operating speed and a potential increase in circuit area
and power. These two penalties can be reduced by using a simple high-speed design
for the amplifier in the Miller integrator. For example, a current-input common-gate
common-source amplifier, as shown in Fig. 15.6, is simple and moderately fast
[Willingham, 1993; Padmanabhan, 1994]. The input impedance of this amplifier is
small, on the order of 2/ (gzm rgs ), due not only to the low impedance of a common-
gate first stage, but also due to feedback. Finally, it should be noted that either a
low- or high-output-impedance opamp can be used for the Miller integrator since it
needs to drive only capacitive loads. Typically, high-output-impedance amplifiers
are used since they tend to have higher unity-gain frequencies, be simpler, and have
less power dissipation.

First-Order Filter

A block diagram for a general first-order continuous-time filter is shown in Fig. 15.7.
Tt can be shown that the transfer function for this block diagram is given by
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_mo

Vin(8) 00— 1/s o Vou((8)

k,s

Fig. 15.7 Ablock diagram of a general firstorder continuous-
time filter.

Vo) Kkis+k,

H = =
() Vi (s) S+ O,

(15.9)

A single-ended Gyp,-C filter that realizes a first-order filter is shown in Fig. 15.8.
The transfer function for this first-order G,-C filter is found by writing a current
equation for the ouiput node, V,,(8):

Gin1 Vin(8) + $Cx{Vin(8) = Voul8)] - $CaAVou(8) ~ Gy Voul(s) = 0 (15.10)
Rearranging to find V,(8)/V;,(8), we have

e (65
Voul(s) _ sCy+ Gy, _ Ca+Cyx/ \Cp+0Cy (15.11)
Vin(8) §(Ca+Cx) + Gy [&+ ( G, ):|
Ca+Cx
Equating (15.11) with (15.9) results in the following relationships:
K,
Cy = (1_-_1?,]0“ (15.12)
G = Ky(Ca+Cy) (15.13)
G, = 0,(Ca+Cy) (15.14) i

It should be noted from (15.12) that, for Cy to remain a positive value, the term
k, must satisfy 0 < k, < 1. What this restriction implies is that the shown circuit
cannot realize a filter that has a high-frequency gain that is either negative or greater

k
Cx —‘) C, where 0 € k; < 1

sz
Cy = [
i J_CI-T o
1T = }
Vin G, = ks(Ca+C
(s) ,__._Jj) . Vs m1 o(Ca+ Cy)

L 0,{C, +Cy)
= Gm1 lCA

Fig. 15.8 A singleended general firstorder G-C filter.

m2
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2C, .
%204 +
+ F y + F
- ‘] ‘ - = Vou Gm1 = ko(Ca+Cy)
G | 726 Ous - Gz = 0o(Ca+ C)
2C, =

k
szcA( 1] where 0 < ky < 1

Fig. 15.9 A fully differential general firstorder G,-C filter,

than 1. Such a result should come as no surprise since the high-frequency gain of this
circuit is simply a capacitor-divider circuit, and hence the restriction on K. Such a
restriction on the maximum magnitude of the high-frequency gain would not occur if
a G,-C opamp filter were used since the feed-in capacitor could go into the virtual
ground of an opamp and high-frequency gains greater than one would be possible,

Finally, the equivalent fully differential first-order G.,-C filter is shown in
Fig. 15.9. Note that capacitor sizes are doubled here, in relation to the single-ended
case, so that the same design equations occur. Also note that the same restriction
holds on k,. although a negative value of k, can be realized by cross-coupling the
feed-in capacitor pair, Cy .

EXAMPLE 15.2

Based on Fig. 15.9, find component values for a first-order filter with a dc gain
of (0.5, a pole at 20 MHz. and a zero at 40 MHz. Assume the integraling capac-
itors are sized C, = 2 pF.

Solution
A first-order filter with a zero at 40 MHz and a pole at 20 MHz is given by

K(5+ 2m x40 MHz)
(s+2nx 20 MHz)

(15.15)

H(s) =

The leading coefficient is determined by setting the dc gain to 0.5, resulting in
k = 0.25. Thus. we have

H(s) = 0255 +2nx 10 MHz (15.16)
S+ 2mx 20 MHz

and equating this transfer function to (15.9) results in

k, = 0.25 (15.17)
ko = 2rx 10’ (15.18)
0, = 4mx 10’ (15.19)
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Using the design equations shown in Fig. 15.9, we find

Cy = 2 pFx 0.25 ;= 0.667 pF (15.20)
Gy = 21 x 10" x 2,667 pF = 0.168 mA/V (15.21)
G, = 41 X% 10" x 2.667 pF = 0.335 mA/V (15.22)

where C, = 2 pF, as given.

Second-Order Filter

To realize a second-order, or biguad, filter in G,~C technology, we use the block dia-
gram derived in Chapter 10 for a general continuous-time biquad filter. The block dia-
gram of Fig. 10.19, slightly modified to make use of positive integrators, is shown in
Fig. 15.10. The transfer function for this second-order filter is given by

Vou(s) K8 +ks+k,
Vin(s) ®

" s”+ (-Qf )s + )
where it should be noted that the leading negative coefficient in (10.45) is no longer
present due to the use of positive integrators. Of course, the inversion of the output
signal could easily be obtained by simply crosscoupling the output wires. The fully
differential version of this filter is shown in Fig. 15.11. The transfer function of this
biquad filter is found to be given by

2( Cx ) ( Gins ) ( Gz Cima )
S +5 +
Vout(S) _ CX+CB CX+CB CA(CX+CB)

'r H(s) = (15.23)

| H(s) = = (15.24)
| Vin(s) 52+S( Gm3 )_'_( GmleZ )
: Cx+C,/ \Ca(Cx+Cpg)
[ Equating the coefficients of (15.23) and (15.24) results in |
é k= X (15.25) :
27 Cx+Cq '
_mo
- —w,/Q
ko/("o L)
Vin(s) PR 1/8§ ° 1/8 o Voul®
k, +K;s

Fig. 15.10 A block diagram of a general second-order continuous+time filter.
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+ : + ¥
—-j / _ —_ - Vnm

/ 2Cy
G L] '
Vin +°_L+ + S + + Gm5
_o_r- - I—t— -
2C,

Fig. 15.11 A general second-order filter using fully differential G,-C technology.

Gm5
k, = (15.26)
Cy+Cqg
GG
kg = — 2 M (15.27)
Ca(Cx +Cp)
and
GG
W= — M (15.28)
Ca(Cx+Cp)
For Q, we note that
G
Do _ _Fms (15.29)
: Q Cyx+C,
and so, by using {15.28), we can solve for Q, resulting in
GG Cy+C
Q - ( ml mz]{ X BJ (]5‘30)
ana Ca

a Although the preceding equations are for analyzing a given circuit, they can also

be used for design, resulting in the following design equations:
K,
Cx = CB(

-k,

‘ 0,(Cp+Cx)
‘ Gmi = 0Ca Gz = 0,(Cp+Cx) Gz = —_—%"J—

) where 0 £ k, < 1

Gy = (keCa)/ @,  Gps = K (Cg+Cyx)

Note that for this design, there is a restriction on the high-frequency gain coefficient,
k., similar to that occurring in the first-order case.
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EXAMPLE 15.3

Find the transconductance and capacitor values for a second-order filter that has
a bandpass response with a center frequency of 20 MHz, a Q@ value of 5, and a
center frequency gain of 1. Assume that C, = Cg = 2 pF.

Solution
A bandpass transfer function has the form

GsmD
Vout(8) _ Q

Vis)

H(s) = (15.31)

2 o 2
s +Sa+u)0

where G = 1 is the gain at the center frequency. Using the facts that m, =
21 x 20 MHz and Q = 3, we find

k, = G%° = 2,513 x 10" rad/s (15.32)
Since k, and k, are zero, we have C, = G, = 0 and
G, = ©,C, = 02513 mA/V (15.33)
Gz = ®6(Cg+Cy) = 0.2513 mA/V (15.34)
and, in this case,
Go; = Gps = k,Cg = 50.27 pA/V (15.35)

15.2 BIPOLAR TRANSCONDUCTORS

There are two main approaches for realizing bipolar transconductors. One approach is
to use a fixed transconductor cascaded with a gain cell. The fixed transconductor is
typically a differential pair linearized through resistor degenecration. The gain cell
allows scaling of the output current by varying the ratio of two current sources. The
other approach is to use a differential input stage with multiple inputs, where the tran-
sistors are scaled such that improved linearity occurs. In this case, the transconduc-
tance value can be tuned by varying the bias current through the input stage.

Fixed Transconductors Using Resistors

Two similar approaches for using resistors to linearize a differential pair of transistors
are shown in Fig. 15.12. To understand the basic operation of the two circuits, we first
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make the simplifying assumption that the V., voltages of the transistors are constant.
As a result, we see that the differential input voltage, v, appears across the two
Rg/2 resistors in Fig. 15.12(a) and across Rg in Fig. 15.12(4). Thus, the emitter
current g, is given by

I, = 1, +R1‘E (15.36)
and the emitter current Ig, is given by
lgs = Il—i (15.37)
Re

Ignoring base currents, these two emitter currents equal their respective collector cur-
rents. Then defining iy, to be the difference in the output collector currents from I,
{as shown), we have

Vi

o1 = ==
RE

Thus, we see that the transconductance of these two differential input circuits is
a fixed value of 1/Rg. One important difference between the two fixed transconduc-
tors of Fig. 15.12 is that, in the case of v; = 0, a bias current of I, flows through the
two Rg/2 resistors in Fig. 15.12(a), whereas no bias current is flowing through R
in Fig. 15.12(k). As a result, the common-mode voltage of Fig. 15.12(h) can be
closer to ground. For example, if a bias curtent of I, = 100 HA is used together

(15.38)

VCC

Re/2 Rg/2
Wr—p—W For both circuits
214 iy = vi/(2ry+Rg)
] 1 G = 1/(2r,+Re)
(a) {b)

: Fig. 15.12 Fixed transconductors using resistors. The lower common-made range of the
circuit in (o} is not as low as that of the circuit in (b} due to bias currents flowing through
the Rg/2 resistors.
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with Rg = 20 k€, then the voltage drop across each of the two Rg/2 resistors
would result in 1 V less of common-mode range. It should be noted here that the
common-mode input voltage must be far enough above ground to account for the
largest expected differential input voltage, v;. Specifically, one must ensure that the
circuit remains functional while the base of one side of the differential pair is lower
than the common-mode voltage by v,/ 2.

A simple estimate of the maximum differential input range for both these circuits
can be found by determining how much voltage exists across the linearizing resistors
at the point where one transistor just turns off. For example, in Fig. 15.12(a), when
Q, turns off due to a large positive input voltage, all of 2[, flows through Rg/2 on
the left and nothing flows through R:/2 on the right. Thus, the voltage at the center
of the two resistors equals that of the emitter of Q, (since no current flows right), and
the maximum input voltage equals that voltage across the left Rg/2 resistor, giving

Vi.max = IlF‘E (15.3%)

A similar argument gives the same maximum input voltage for the circuit of
Fig. 15.12(&). It should be noted here that this simple estimate does not take into
account that significant distortion occurs when this maximum input voltage is applied.
Specifically, at V| ;. = I,;Rg, one of the two transistors will be off, implying that
Vpe has not remained a relatively constant value, as we assumed earlier in this sec-
tion. Typically, the maximum input range that applies to the preceding fixed transcon-
ductors might be one-half that of (15.39), or, equivalently, (I,/2)R¢.

So far, we have assumed that the transistor’s V. voltages remain constant. Such
an assumption is reasonably valid due to the exponential current-voltage relationship
of bipolar transistors. Specifically, this assumption is reasonable when one restricts
the minimum emitter current, Ig ,;,, in either transistor to be that which keeps the
small-signal emitter resistance, r,, much smaller than Rg. Recalling that

Vi
e = — (15.40)
Ie
we then have the requirement,
Vr
e max = << Rg (1541)
E.min
or equivalently,
\2
IE min > (15.42)
v RE
For example, if Rg = 20 k€ and V; = 25 mV, the minimum emitter current in ‘

either transistor should be much greater than 1.25 pA. A good guestion is, How much
is “much greater than? The answer to this question depends on how much distortion
can be tolerated since, when r, becomes a comparable size to Rg, the varying Vi,
voltage will result in the output current, iy, being a significant nonlinear function of
the input voltage, v;. For example, if the maximum value of r, goes to 10 percent of
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that of Rg when the maximum applied input voltage is (I,/2)RE, then a linearity
deviation of about 3 percent occurs. Thus, to attain a high hinearity with the preceding
circuits, the bias currents should be large (resulting in a small value of r,) and the
input signal should be small (to maintain the small values of rg ). Of course, the use of
small input signals may result in noise becoming a problem.

In applications in which a moderate amount of nonlinearity can be tolerated, Re
might be chosen similar in size to the nominal bias value of r.. In this case, the overall
transconductance of this transconductor is most easily found using the hybrid T model
for the input transistor pair. With such an approach, the output current is more accu-
rately described by

. Vi Vi
iy, = = (15.43)
re;+ Re+re: 2r.+Rg
where r, is the small-signal emitter resistance (equal to o/ g, ), given by
i \
r, = ML (15.44)
Ie I,

Note that (15.43) reduces to (15.38) when Rg is chosen much larger than 2r,. In
summary, a more accurate formula for the transconductance of the two circuits of
Fig. 15.2is

o1 |

G, ==
™ v, 2r,+Rg

(15.45)

EXAMPLE 15.4

Consider the circuit of Fig. 15.2(h), where R = 3 kQ (such that G, =
0.333 mA/ V) and the maximum differential input voltage is 2500 mV. Choose
an appropriate bias current, I,, such that r, .. < 0.1Rg, and find a more pre-
cise value for G, Find the new value of I, and G, if the constraint

emax < 0.01Rg is used instead.
Solution
In the first case, we have Iy . < 0.1Rg = 300 €. Thus, in the case of v; =
2 500 mV, we require that ro, =~ 300 €, which is attained for an emitter current
of )

Vv
i Ieppi = —1 = 20V _ 267 uA (15.46)
Mo max 300 Q

For this same input voltage, the resistor current is approximately

500 mV
) I = = 167 nA 15.47
RE ) i { )
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and since the current through Rg plus Ig, must equal I, (according to the node
currents at the emitter of Q, ), we have

I, = 167+86.7 = 253 pA (15.48)

In other words, a minimum bias current of 253 WA should be chosen. For this
value of bias current, the nominal value of r is given by

Vr
fe = T =103 Q2 (15.49)
1

resulting in

-1 ~o3manv (15.50)
(2r, + Rg)
For the case fyg. < 0.0IRg, one finds I, = 1.03mA and G, =
0.328 mA/ V. Note here that the nominal value of r, is now only 26 €2, which
is significantly less than Rg. Although this second design will have less distor-
tion than the first (about 10 times better), it uses much more power, Next, we
look at using feedback to improve distortion without resorting to large bias cur-
rents.

m

One way to improve the distortion properties of the above fixed transconductors
without using large bias currents and small input signal levels is to use an extra pair of
amplifiers, as shown in Fig. 15.13. Here, the virtual ground in cach opamp forces the
emitter voltages of Q, and Q, to equal those of v; and v . As a result, the input

VCC
I1 & &I‘l
-— -
—o o—yq
loi i°1
v vi
01 Qg
Re
AAA
vYY
G, = 1/R
L @ D L ;

Fig. 15.13 Improving the linearity of a fixed transconductor
through the use of opamps.
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voltage appears directly across R and does not depend on the V,, voltages of Q,
and Q,. Thus, the transconductance of this circuit is given by

o 1

G, = -1
vi-vi Re

(15.51)

It should be mentioned here that the opamps can be quite simple (typkally, a single
stage) because they merely improve an input stage that is already reasonably linear.

Another method for improving the linearity of a fixed transconductor is to force
constant currents through Q, and Q, such that their V. voltages are fixed, as shown
in Fig. 15.14 [Koyama, 1993]. Here, I, flows through each of Q, and Q,, while Q,
and Q, have varying collector currents corresponding to the current flow through
Re. The output currents can then be obtained at the collectors of Q, and Qg, which
mirror the current through Q; and Q. Thus, assuming the current mirror transistors
consisting of Q, and Qg are equal in size to those of Q; and Q,, the transconduc-
tance of this cell is given by

[ |

G = = —
K V?—vi_ Re

(15.52)

If the current mirror transistors are scaled in relation to Q, and Q,, then the transcon-
ductance for this cell is also scaled by the same amount.

It should be noted that simple diode-connected transistors are not used at Q, and
Q, since a feedback circuit is required to set the voltage level at the collectors of Q,

-

® G = 1/Re

I
Gg
Qs j—" 1”—{ Qs For equal-sized

- current mirrors

Jé
0
>
T

I1 _i01 :¢ "‘"" , *'I 11 +i01

¢ ¢

Fig. 15.14 Improving the linearity of a fixed transconductor by maintaining a con-
stant Vi, voltage for Q, and Q,. Level shifts should be added aof the emitters of
Q., Q; if a larger input range is desired.

il
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and Q, without drawing much current. The feedback loop occurs as follows: If the
voltage at the collector of Q, increases because I¢, is less than I, then V., also
increases, forcing more current through Q,; and Q, until I, once again equals I;.
Although the circuit shown results in each of Q; and Q, collector voltages being set
to two diode drops above ground (i.e., Vo1 + Vs ), a larger voltage can be obtained
by adding diode-connected transistors that operate as voltage level-shifters. It is possi-
ble to combine parts of this fixed-transconductor circuit with a gain-cell stage, as was
done in [Koyama, 1993]. Finally, it should be mentioned here that the same lineariza-
tion technique has been used in a CMOS variable transconductor, where the resistance
Re was realized using a MOS transistor operating in the triode region [Welland,
1994].

Gain-Cell Transconductors

The transconductors just described have a fixed transconductance value equal to
approximately 1/Rg. However, to accommodate tuning, variable transconductance
values are required. One common approach for creating tunable transconductors that
have a fixed transconductance input stage is to use a gain cell as described in Section
8.7. Recall that in a gain cell, the output current is equal to a scaled version of the
input current, where the scaling factor is determined by the ratio of two dc bias cur-
rents. In addition, the circuit is highly linear.

A tunable transconductor that uses a gain cell is shown in Fig. 15.15. Here, the
voitage sources, Vg, represent voltage level shifiers and could be realized using the
circuit shown in Fig. 15.16. By combining the relationships given for the fixed

Veo

4

q.QS s :’_l b (l) 12i

. v; +o_-t Q, Q,

O ©L o

Fig. 15.15 A typical gain-cell fransconductor.

604 of 720




15.2 Bipolar Transconductors 591

Vee
._-l_ .
Vis L I

Fig. 15.16 A possible realization of the level shifters.

transconductor and the gain cell, specifically, (15.38) and (8.61), then the output cur-
rent is given by

vil,
i, = ——
° Rl

resulting in a transconductance value equal to

G, = (RLE)G—TJ (15.54)

Thus, the transconductance value is proportioﬁal to the ratio of 1,/1,.
It is also possible to place the gain cell below the input differential pair, as shown
! in Fig. 15.17 [Wyszynski, 1993; Moree, 1993]. Note that while the previous designs

(15.53)

; Vee
i
I L
1 vi ""'_‘I: Q@ Jj ’ JD i,
- —-
- L r—
ZR/2 T Re2
-~

I
1\'2
21, (lez Gy = (RE{i:}
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have 2r, in series with the degeneration resistor, R, this circuit has 4r, in series
with Rg (that of Q, - Q, ), which might affect the distortion performance. However,
the gain cell shown has less distortion due to finite B effects and has therefore been
referred to as a beta-immune type-A cell [Gilbert, 1990].

Transconductors Using Multiple Differential Pairs

Quite a different approach for realizing a bipolar transconductor is by partially linear-

izing the input stage through the use of multiple differential pairs. To see how this lin-

earization is achieved, consider a simple differential pair, as shown in Fig. 15.18(a).

Ignoring base currents, we saw in Section 3.10 that the collector current ¢, is given by
I

= — (15.55)

i
c2 v,V
l1+e

This current is plotted in Fig. 15.18(k), where we note that the curve is relatively lin-
ear near v; = 0. It is well known that the slope at this point equals the transconduc-
tance of this differential input stage and is given by

™7 ar, T 4Vq
Thus, we see that the transconductance is proportional to the bias current, I,. Unfortu-
nately, this two-transistor input stage has a very limited input range when used as a
linear transconductor. In fact, when v; becomes greater than around 32 mV, (ie.,
v; > =16 mV), the total harmonic distortion of the output current becomes greater
than | percent (see Example 15.5). We now discuss a method to use parallel differen-
tial pairs to increase the linear input range [Calder, 1984].

Consider the input stage shown in Fig. 15.19(a), where two differential pairs are
connected in parallel but with a dc offset voltage applied to each. The currents of the

(15.56)

Iga

gy ¥ e Lo
s.g
C)1 Qz c.6
Vi * c.4
(_P I, 0.2

= 5 5 s To

(a 19)] Vi/VT

Fig. 15.18 (a) Differential pair. (b} Current output versus input voltage.
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Icy +lcs

+.

Choose v, = 1.317V;

{(a) oy o
(c)

Fig. 15.19 {a) A linearized differential input; {b} individual rightside currents; {c) total linearized
right-side current. The leftside currents are similar.

5 v./V- 10

-

right side transistors in each transistor pair are shown in Fig. 15.19(b). If the dc offset
voltages, v, are chosen carefully, then the two current curves will partially linearize
each other when they are added together, as shown in Fig. 15.19(c). In this case, v, is
chosen to be equal to 1.317V to maximize the linear input range [Tanimoto, 1991].
As aresult of this linearization technigue, the input range can now be approximately
three times that of the original differential pair or, equivalently, 96 mV,, and
achieve the same distortion performance.

To reduce circuitry, the two de offset voltage sources can be eliminated by sizing
the differential pair of transistors appropriately. Specifically, assuming that v; = 0,
then when v, = 1.317V, the collector currents of Q; and Q, are given by

B
ig; = —— = 0.2113], (15.57)
}+ei.31
. and
;
‘ I
' ey = lgy = ———= = 0.7887], (15.58)
l+e ™

If a two-transistor differential pair has unequal-sized transistors such that the same
two currents occur for v; = 0, then this unequal-sized differential pair will behave the
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same as that of an equal-sized differential pair with a de offset applied. To determine
the sizing of the unequal-sized differential pair, define k to be the ratio of the base-
emitter area of Q, with respect to Q,. Thus, for this unequal-sized case, when
v; = 0, we have

i, = kIe™"" = 078871, (15.59)
and
ig, = Le ™" = 021131, (15.60)
Dividing (15.59) by (15.60). we obtain
k = 3.73 (15.61)

Thus, we should make Q, 3.73 times larger than Q,, and similarily Q, should be
3.73 times larger than Q. Such transistor sizing achieves the same result as the dc
offset voliages. This result should make intuitive sense since we require that the ratio
of the two currents be 0.7887/0.2113 when their base-emitter voliages are equal; this
requirement results in the area ratio. Typically, this area ratio is set to 4 for practical
reasons, and the final linearized transconductor is realized as shown in Fig. 15.20.
Thus, for this circuit with v, = 0, the currents through Q, and Q, are 0.81, and
(.21, respectively.

To determine the transconductance of the circuit of Fig. 15.20, we note that
G, equals the sum of the transconductance of the two differential pairs, resulting
in

I
G, = P (15.62)
Fe1+Tas To3tTe

Q, Q, Q, Q,
+
v i4x 1x 1x 4x
6. = 81,
@ I, @ I, “ = 25V,

Fig. 15.20 Using fransistor sizing to create a linearized differential
transconductor.
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Also, at v; = 0. we have

Vv
fot = Toy = —— (15.63)
0.81,
and
\Y
g2 = Ta3 = — {(15.64)
0.21,
Combining (15.62) to (15.64), we have
81,
= £5.65
" = v (15.65)

which is 28 percent greater than the transconductance value for the transistor pair
shown in Fig. 15.18(a). However, this comparison is not fair since two differential
pairs and twice the current are used in this linearized approach. If two differential pairs
of Fig. 15.18(a) are used together. then their total transconductance would be
G,, = I/(2V¢), implying that this linearized approach has a 36 percent smaller
transconductance. Also note that, as in the two-transistor pair case. this transconduc-
tance value is also proportional to the bias current. {,, and thus no gain cell is required.

Recent circuits based on this approach have resulted in a 2- to 10-MHz program-
mable filter intended for disk-drive applications [De Veirman, 1992]. Finally, it
should be mentioned here that this same technique can be extended to a larger number
of input stages to further improve the linear input range {Tanimoto, 1991]. Using four
differential input pairs in parallel, the linear inpil range was reported to be 16 times
better than that for a single differential pair.

EXAMPLE 15.5

Consider the single differential pair shown in Fig. 15.18(a), where [, = 2 mA.
Find the percentage error between an ideal linear transconductor and the true
output current when v; = 16 mV.

Solution
Using (15.56}, we have

L
G, = — = 192 mA/V (15.66)
4V4
Thus, for an ideal linear transconductor, the output current for a 16-mV input
] voltage would be

| i, = Gpx 16 mV = 0.307 mA (15.67)
The true output current can be found from (15.55} as

__2MA 5200 mA (15.68)

Ics
- 16/26
l+e
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Ig, = — T _ 1208 mA (15.69)

1+ e—l6/26

implying that the change in current from the bias current of 1 mA is 0.298 mA.
Thus, the percentage error between the true output current and the ideal linear
transconductor output is

0.298 - 0.307

x 100 = -3% (15.70)
0.307

In this case, the deviation is three-percent worst case, which results in
about a one-percent total-harmonic-distortion (THD) measurement (see Section
15.8).

EXAMPLE 15.6

Consider the linearized differential pairs shown in Fig. 15.19(a), where
I, = 2 mA. Find the percentage error between an ideal linear transconductor
and the true output current when v; = 16 mV.

Solution
First, we need to derive a formula for G, in a manner similar to that for (15.65),
where -
Ve
Fof = los = m (15.71)
Vi
fr = Tes = §o1131, (1572
| Thus, the transconductance is given by
| G = I 1 - 03331, = 25.6 mA/V (15.73)
TertTez TeztTley Vi

i For an ideal linear transconductor, the output current for a 16-mV input voltage
would result in

i = Gpx16 mV = 0.4102 mA (15.74)

To calculate the true output current, we first note that
v, = 1.317V; = 3424 mV (15.75)

and since v, = 16 mV, we use V; + v, to find I¢4, resulting in

Io, = —2MA 1747 mA (15.76)
1 -50.24/26
+ e

I, = 2mA-Ig, = 0253 mA (15.77)
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For Ig,. we use v, - v, to obtain

Ie, = :i%“j—ﬁ = 1.337 mA (15.78)
Ie; = 2mA-Tc. = 0.663 mA (15.79)
The true output is then equal to
Ig, + 1 = 241 mA (15.80)
Ieo+1gy = 159 mA (15.81)

implying that the change in current from the bias current of 2 mA s
0.4099 mA. Thus, the percentage error between the true output current and the
ideal linear transconductor output is

0.4099 - 0.4102

%100 = —0.1% (15.82)
0.4102

Note that this error i1s over ten times better than with a simple differential
pair.

15.3 CMOS TRANSCONDUCTORS USING TRIODE TRANSISTORS

In this section, we discuss transconductor circuit techniques that rely on transistors
operating in the triode region. It should be stated here that in the following circuits,
not all transistors are in the triode region. As we will se¢, most of the transistors are
biased in the active region, but the transconductance of the circuit relies on one or two
key transistors biased in the triode region.

We begin this section by recalling the classical model equation for an n-channel
transistor operating in the triode region.

W Vi
Iy = anox[fJ {(VGS -V Vos - %} (15.83)

Also recall that a transistor remains in the triode region as long as the drain-source
voltage is lower than the effective gate-source voltage. In other words, the following
condition must be satisfied:

VDS < Vefi where Ve” = VGS*th (15‘84)

We will see next that if the preceding equations were exact, then perfectly linear
circuits could be realized. However, these equations are only mildly accurate for a
modern short-channel process, and therefore some distortion occurs because higher-
order terms are not modelled in the preceding equations. Hence. almost all practical
continuous-time circuits use fully differential architectures (see Section 10.3) to
reduce even-order distortion products, leaving the third-order term to dominate.
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| Transconductors Using a Fixed-Bias Triode Transistor

| We see from (15.83) that if a small drain-source voltage, Vg, is used, the VZDS term

goes to zero quickly and the drain current is approximately linear with respect to an
g applied drain-source voltage. Thus, we can model a transistor in triode as a resistor

given by

l 9o | (15.85)
. fos = |5 — ‘

Ei which results in a small-signal resistance of

11 M

i 1

!}1 fos = (15.86)

8 w
% : unCox[t} (VGS - th)

One approach for using this equivalent resistance to realize a transconductor with
moderate linearity is shown in Fig. 15.2]1 [Welland, 1994]. This circuit has the same
structure as that of the bipolar circuit of Fig. 15.14. However, here the bipolar transis-
i tors are replaced with their MOSFET counterparts {biased in the active region), and
the resistor is replaced with a transistor operating in the triode region. Note that the
circuit of Fig. 15.21 forces constant currents through Q, and Q, (as in the bipolar
case) such that their individual gate-source voltages remain constant. As a result, the

:w; ‘ *VDD
" i‘ $

i 1 I
u NO; AD ‘
of—  f—ha
vi vi
—iha Qe
i c
i -
Li-iar 1y ._JQQI'__. 41 Ti+ie
1
‘ Q J——F Qe  Q J—+—if q,
I GPI2 GlD I,
l
H
i

"—

Fig. 15.21 A CMOS transconductor using Qg in the friode region.

}) G, = anox(¥l[vgsg - th]
|
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transconductance of this cell is equal to the inverse of the small-signal resistance, l,
of Q. Using the small-signal resistance result of (15.86), the overall transconduc-
tance of this cell is given by

i
G, = +01 - = unCo,[v_Vl(Vgsg—Vm) (15.87)
Vi -V, L

Thus, this transconductor has a variable transconductance value that can be adjusted
by changing the value of V. As in the bipolar case, this transconductance value can
be scaled by scaling the current mirrors Q, and Qg with respect to Q; and Q.

A similar approach but with reduced complexity and fewer p-channel inputs is
shown in Fig. 15.22 {Kwan, 1991]. Here, a constant current of I, is forced through
each of Q, and Q,, whereas the dc bias current for each of Q; and Q, equals the
difference between I, and I,. The signal current, ig,, also flows through Q, and Q,,
which is mirrored to the output transistors, Qs and Q. Note that this configuration
has one less transistor stage around the input transistor loops. Specifically, the Q;
and Q, source followers shown in Fig. 15.21 are not required in the circuit of
Fig. 15.22, which usually results in a speed advantage for the latter.

An advantage of the transconductors in Figs. 15.21 and 15.22 (and other similar
ones) is that they are easily modified to have multiple outputs by simply including out-
put transistors, For example, the transconductor in Fig. 15.22 with two outputs is
shown in Fig. 15.23. These additional transistors can be scaled for any desired ratio of
output currents. These multiple outputs often allow filters to be realized using fewer
transconductors. For example, a biquad similar tothat in Fig. 15.11, but using multiple-
output transconductors, is shown in Fig. 15.24. The transconductors are now associated
with the outputs rather than the inputs. There is one transconductor per filter order plus
an additional one for the input conversion from voltage to current. This approach has
resulted in a savings of two transconductors. Not only does this approach save die area,
but, often more importantly, it saves power.
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Fig. 15.24 A general biquad realized using multiple-output transcenductors.

The biquad in Fig. 15.24 illustrates the use of Miller integrators. Because Miller
integrators are used, the interconnects are all low-impedance nodes with current sig-
nals rather than voltage signals. This helps make these nodes insensitive to capaci-
tively coupled noise and interconnect resistance. This current-mode style of design is
increasing in popularity.

Transconductors Using Varying Bias-Triode Transistors

Another way to linearize a MOSFET differential stage, using transistors primarily in
the triode region, is shown in Fig. 15.25 [Krummenacher, 1988]. Note that here the
gates of transistors Q;, Q, are connected to the differential input voltage rather than
to a bias voltage. As a result, triode transistors Q4 and Q, undergo varying bias con-
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Ak,
"k, + 4kg)

Fig. 15.25 A linearized CMOS differential pair using transistors
Q,, Q, primarily in the triode region. The top pair of current
sources can be set equal to the bottom pair through the use of a
common-mode feedback.

ditions to improve the linearity of this circuit (as discussed shortly). To see that Q,
and Q, are generally in the triode region, we look at the case of equal input signals
(i.e., v, = V;), resulting in -

\I"x = Vy = V| _VGSI = Vl - (Veffl + th) (1588)
Thus, the drain-source voltages of Q, Q, are both zero. However, their gate-source
voltages equal those of Q,, Q,, implying that they are indeed in the triode region.

To determine the small-signal transconductance of this stage, we note from

(15.86) that the small-signal drain-source resistance of Q,, Q, is given by
1
Fyes = Fygg & ———————— (15.89)
= 7 2K(Vgs) — Vin)

where we have assumed that Q, and Q, are matched devices and have defined

nCox
Ky = = (ﬂ] (15.90)
3

2 L

Note that in this circuit we cannot ignore the effect of the varying gate-source volt-

ages of Q, and Q, since their drain currents are not fixed to a constant value (as in

Fig. 15.21). The small-signal source resistance values of Q, and Q, are given by
1 1

Im 2K, (Vas) — Vi)

Using the small-signal T model, we find the small-signal output current of i,, to be

equal to

(15.91)

Fs1 = fs2 =
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. Vi—V;
i, = (15.92)
Foi + Fsa + (Fgga [l Fasa)

Thus, defining G,, = i,,/(v,-V,). we have
1

G, = (15.93)
gy +Fsa+ (rd53 ” rds4)

which can be shown to be
_ 4k k3 (Vgg) ~ Vin)

15.94
m K, + 4k, (1594
Finally, to modify this result such that it is in terms of current, we note that
I, = K,(Vass - Vin)’ (15.95)
or, equivalently,
I
Vas1 = Vin) = [= (15.96)
1
which leads to
a4k ky /1
G, = ik (15.97)

(k, +4k;) . /K,

Thus. we see that the transconductance of this transconductor can be tuned by chang-
ing the bias current, I,. Note also that the transconductance is proportional to the
square root of the bias current as opposed to a linear relation in the case of a bipolar
transconductor.

To see how varying bias conditions for the triode transistors improves the linear-
ity of this circuit, first consider the case of small differences in v, and v, (say, 100
mV}. In this small-input-signal case, Q; and Q, essentially act as two source degen-
eration resistors. Thus, linearity improves {(assuming rqe; >> rg;} over that of a sim-
ple differential pair, since transistors in triode are more linear than the source
resistances of transistors in the active region. In other words, for a small-input-signal
value, the linearity of this circuit is similar to that for a circuit in which the gates of
Q.. Q, are connected to fixed-bias voltages. However, if the gates of Q,, Q, were
connected to fixed-bias voltages, (15.83) shows that, as the drain-source voltage is
increased, the drain current is reduced below that which would occur in a linear rela-
tionship due to the squared vpg term. In addition, the changing values of Vgg, and
Vg, (due to current changes) also reduce the value of Vg, and hence the transcon-
ductance of the cell for large input signals. To alieviate this reduction in transconduc-
tance for large input signals, the gates of Q; or Q, are connected to the input signals
as shown. Now, as the input signal is increased, the small-signal resistance of one of
the two triode transistors in parallel, Q, or Q,, is reduced. This reduced resistance
attempts to increase the transconductance, resulting in a partial cancelling of the
decreasing transconductance value. Thus, if a proper ratio of k, /K, is chosen, a more
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stable transconductance (and hence better linearity) is achieved. For a 4-MHz filter
presented in [Krummenacher, 1988], a ratio of k,/k; = 6.7 is used to obtain distor-
tion levels around 50 dB below the maximum output signal level of 350 mVrms.
Also, an extension of this approach is presented in [Silva-Martinez, 1991], where the
input signal is split over two input stages to further improve the distortion perfor-
mance.

EXAMPLE 15.7

Consider the circuit1 of Fig. 15.25 with the following values: I, = 100 uA,
UaCox = 96 pA/V  (W/L), = (W/L), = 20,(W/L); = 3,andv, = 0 V.

1. Assuming a perfectly linear transconductor, use (15.97) to find i,, when
v, equals 2.5 mV and 250 mV.

2. Assume the gates of Q,, Q, are connected to ground and use classical
models for both the triode and active regions. Find the true value of i,
when v, equals 2.5 mV and 250 mV. Compare your results with those in
part 1.

3. Repeat part 2, assuming the gates of Q;, Q, are connected to the input sig-
nals as shown in Fig. 15.25.

Solution
1. For the given values, we have =
94
k, = 5 X20 = 960 HA/V? (15.98)
96 2
k; = ?X3 = 144 pA/YV (15.99)

and substituting the above values in {15.97), we have
4Kk /100

" (K, + 4k K

Now, to find i, , we use the definition of G, to find

o1 = G(v,—vy) = Gpv, (15.101)

G = 1162 UA/V (15.100)

Thus, for v, = 2.5 mV, we have i, = 0.2905 pA. However, if v, =
250 mV, then iy, = 29.05 pA. In other words, for a 250-mV input volt-
age, the total drain current of Q, would be 129.05 pA, whereas that for
Q, would be 70.95 pA,

2. To find iy, in this case, we first note that the sum of the drain currents in
Q, and Q, must equal the total bias current, 200 uA. In other words,

i, +ip, = 21, = 200 LA (15.102)
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And since (using Vo = Vgg— Vin) the drain currents in Q, and Q, are
given by

. MaCox(W . HaCox( W
ip) = —2—"[;]1(\:;“) and ip; = ”—f[tl(vém) (15.103)

we can write (15.102) as
5

Vi + Ve = o v? (15.104)

The current from node v, to v, through the two triode transistors is
given by

2

; i w v

iy = 2%ipy = 2pncox[-l_—J (ve,,zv,y—%y] (15.105)
3

where we have noted that Vgg; = Vo The sum of iy, and ip, must equal
I,, resulting in

2
VX
960V, + 576[vef,2vxy - 7"] = 100 (15.106)

Finally, we note that the input signal is equal to the following sum (the
threshold voltage terms cancel):

-

— Vet + Vyy + Vett1 = Vin (15.107)

Equations (15.104), (15.106), and (15.107) can be solved using an
equation solver and then choosing the solution that has all positive values.

For a value of v, = 2.5 mV, the following results are obtained.
Ve = 032322V
Vi = 0.32228 V
Vey = 0.0015648 V (15.108)

These values of effective gate voltages imply that the drain currents are
ig; = 100.2898 nA  ip, = 99.7104 pA (15.109)
which, in turn, imply that
iy = ip;— 100 pA = 0.2898 pA (15.110)

Such a result agrees closely with that of part 1.
However, for the case of v;, = 250 mV, we have

Vo, = 035452 V
Vi = 0.18297 V (15.111)
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resulting in iy, = 20.66 pA. This result is about 30 percent lower than that
expected by a linear transconductor value of 29.05 p A, as found in part 1.

Finally, if the gates are connected to the input signal, the preceding equa-
tions in part 2 remain the same, except for i,, , which is now the sum of ip;
and ip,, resulting in,

, W v,
ly = lvlnc"x(rl{(vem +VinlVay = 7}}

Xy

(15.112)
W v;
+ “ncoy{t l[veffzvxy - f}
and so (15.105) is replaced with
960Vaz + 5TO[(2Vqprz + Vi) Vyy = Vay] = 100 (15.113)

Once again, using an equation solver, we find that in the case of
Vi, = 2.5 mV, the results are essentially the same as in parts 1 and 2. How-
ever, in the case of v;;; = 250 mV, we find that

Veffl = 036620 V
Vs = 0.27245 V
Ve = 0.15625 V (15.114)

These values lead to iy, = 28.74 pA, which is only 1 percent below that
expected by a linear transconductor value of 29.05 pA.

Transconductors Using Constant Drain-Source Voltages

Recall, once again, the classical model for a transistor biased in the triode region,

o

_ w Ve
o = anox[t}[(ves_vm)VDs—;‘? (15.115)

We see here that if the drain-source voltage, Vg, is kept constant, the drain current
is linear with respect to an applied gate-source voltage (ignoring the dc offset current
due to the squared Vg term) [Pennock, 1985]. Unfortunately, this simple model does
not account for important second-order effects (such as velocity saturation and mobility
degradation) that severely limit the accuracy of the preceding equation model. However,
if fully differential structures are used to cancel even-order error terms, a reasonably
linear transconductor (around 50 dB) can be built using this constant-Vg approach.

One possible implementation based on the linearization scheme just described is
shown in Fig. 15.26. Here, Q, and Q, are placed in the triode region and their drain-
source voltages are set equal to V. through the use of Q;, Q, and two extra amplifiers.
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Ve
L { &L
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i01 i01
Ve V¢
ho. oy

W
Gm = uncox(rJ Vps
1

v,/ 2 @ b @ Vos Q gz —v,/2
Vem I - I Vem

Fig. 15.26 A differential transconductor using triode transistors that have constant drain-
source voltages. The control signal, V¢, adjusts the fransconductance value, whereas
Veu is @ fixed common-mode voltage. The top current pair, I, is set equal fo the bias
current through Q,, Q,, using a common-mode feedback circuit {not shown).

The differential input signal is applied to the gates of Q,, Q, and is superimposed on a
constant common-mode voltage signal, Vcyy. An alternative design here is to use an
extra opamp to create a Gp,-C opamp integrator [Wong, 1989].

For the circuit of Fig. 15.26, we have

. W[V
ID] = ”nCox[I] [5 +VCM—VtﬂJVDS_VzDS/2 (15116)
1

-

Noting that i, is the difference between this current and I,, which is set via a common-
mode feedback signal equal to

w
Il = uncox[t] l:(VCM_th)VDS"VéS/z} (15.117)
1
we then have
) . W (v

|0] = lDl_Il = p,nCox r l E DS (15118)

Then, defining G, = i,,/V, resultsin

w

Gy, = pnCox[tJ Vbs (15.119)

1

Note that here the transconductance value is proportional to the drain-source voltage,
and from (15.117), we see that the bias current is also approximately proportional to
the drain-source voltage (if Vg is small).
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EXAMPLE 15.8

Consider thecircuitshowninFig. 15.26,where u,C,, = 96 pA/ Vi (W/ L), =
(W/L), = 10,V,, = 0.8 V,and V¢ = 2 V.Find the transconductance value
when Vo = 0.2 V and when V¢ = 0.4 V. For these two control-signal values,
also find the bias currents through Q; and Q, (i.e., when v, = () and the max-
imum input signal swing before either transistor exits the triode region (assume
the classical transistor model).

Solution
Using (15.119), for V¢ = 0.2 V, we have

Gy, = 96 PA/V X 10x02 V = 0.192 mA/V

Also, the bias current through Q, or Q, for this V; value can be found using
(15.117):

2
I, = 96 pA/V % 10[(2—0.8)0.2—%} = 0211 mA

Finally, to remain in the triode region, the effective gate-source voltages of Q,
and Q, must remain above Vg = 0.2 V. In other words, their gate-source volt-
ages must remain above Vpg+V, = 1.0 V. Since the common-mode voltage,
Vew equals 2 V, the negative portion, v,/2, must not go below a level of -1 V,
otherwise the transistor will enter the active region. Thus, a maximum differential
input voltage, v;, of 2 V can be applied in this case.

Similarly, for Vo = 0.4 V, we have twice the transconductance value of
G, = 0.384 mA/V. Here, the bias current is found to be I, = 0.384 mA and
the maximum input signal swing is a differential voltage of v; = 1.6 V. Note
that doubling the drain-source voltage doubles the transconductance (as ex-
pected) but requires almost a doubling of the bias current and a loss of signal
swing.

15.4 CMOS TRANSCONDUCTORS USING ACTIVE TRANSISTORS

In general, CMOS transconductors based on the use of active transistors? have worse
linearity performance than their triode-based counterparts. However, active-based
designs often have improved speed performance (assuming equal bias currents in the
two cases). The linearity of active-transistor transconductors is only moderate (around
3010 50dB) because they rely on the square-law model of MOS transistors, which is not
very accurate (particularly in short-channel processes). In addition, only the difference

2. Active transistors are those transistors that operate in the active region. The active region is also known
as the pinch-off, or saturation, region, This active region for an n-channel transistor occurs when Vgg is
greater than V, and Vg 2 Vg -V, = V-
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in output currents is ideally linear, whereas individual currents have significant second-
order harmonics. Thus, second-order harmonic distortion also occurs if the difference is
not taken precisely.
| We should mention here that not all linearization techniques using active transis-
| tors are discussed. For example, one approach not discussed is a technique in which
5‘ the tail current of a differential pair is adaptively biased [Nedungadi, 1984]. This tech-
nique is limited in its frequency response. and thus a designer would usually choose a
triode-based design instead. In summary. in this section we present CMOS lineariza-
tion techniques intended for high-speed operation and only moderate linearity.

CMOS Pair

Before proceeding to look at transconductor circuits that have active transistors, it is
;‘ worthwhile to introduce a two-transistor circuit known as the CMOS pair, as shown in
/ Fig. 15.27 [Seevinck, 1987]. As we will show, this two-transistor pair acts as a single
transistor, assuming that both transistors remain in the active region. Such an observa-
tion allows one to more easily derive some of the CMOS transconductors described
later in this section.
To show that this two-lransistor pair acts as a single transistor, we first assume that
-i both transistors remain in the active region. Thus, we can write their drain currents as

Ip=K,(Vasn—Vin)  where V>0 (15.120)
: and -
I Ip = Ky(Viap + Vip)” where Vi, <0 (15.121)
; Rearranging these two equations in terms of their gate-source voltages gives
_r
E Vasn = Vi (15.122)
F and

1
, Vsap = *le"'—«/ga (15.123)
K

Defining the equivalent gate-source voltage. Vg gq. to be the difference between the
two gate voltages. we have

Vas.eq = Vasnt Vsap = (Vm—th)*'( K +—-JJT; {15.124)

Since this equation has the same form as those for a single transistor (equations
(15.122y and (15.123)). we define the equivalent threshold voltage, Vt_eq, as

Vieg = Vin—Vyp where Vi, > 0 and V,, <0 (15.125)

and we define the equivalent device parameter, K. as
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: KnKp
+ Q, 2 Keoa =
K K
VGS-aq ¢ iD Ip = Keq(vGS-eq - Vt-eq] («/_n + 4/_!1)2
- °_.|
Q, Vieg = Vie—Vip

(where V>0 and V,,<0)

Fig. 15.27 A CMOS double pair, where both transistors are in the acfive region.
The transistor pair is equivalent to a single transistor with an equivalent threshold volt-
age, V.o . and device parameter, K.

teq ¢
! = ! + ! (15.126)
K I K
which can be rewritten as
K.K
. Keq = ne (15.127)

(R )

Finally, combining (15.124), (15.125), and (15.127) and rearranging, we see that
when both transistors are in their active regions, the drain current can be written as

ip = Keq(Vas.eq— Vieg) (15.128)

where Kgyq, Vg eqr and Vo are defined as just described. Clearly, this equation is
in the same form as that for a single transistor, and thus this two-transistor pair can
replace single transistors in many circuits. As we will see next, this replacement can
be quite useful in designing linear transconductor circuits.

Constant Sum of Gate-Source Voltages

One popular approach for creating an active transistor transconductor is by using a
constant sum of gate-source voltages, as shown in Fig. 15.28. Assuming the two tran-
sistors are operating in the active region (i.e., the drain voltages are high and each of
Vgs; and Vg, remain greater than V), the output differential current is given by

(ip1 —ips) = K(szn + Vs 2Vm] (Vos: - Vas2) (15.129)

Here, the output differential current is linear if the sum of the two gate-source volt-
ages remains constant. As we will see next, there are a variety of ways to make the
sum of the gate-source voltages remain constant when applying an input signal. One
important point to note here is that, although the differential current is linear, the indi-
vidual drain currents are not linear. Thus, if the subtraction between currents has some
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. w
i in2 K= (Hn/2]cox(f]

ips = K(VGS1_VI ) and gz = K[VGsz_Vm)
+°‘I Q1 Qz h'+ "

v o
Vst — - e {ipy —ipz) = K(Vesn +Vas2 -2th) [Vss1 _VGSE)
{Matched devices)

Fig. 15.28 Twortransistor circuit in which the difference in the drain currents is linear with

respect to (Vggq — Vasz) if the sum of the two gate-source voltages remains constant. Tran-
sistors are matched and in the active region.

error (as it certainly will), some distortion products will occur even if perfect square-
law devices are obtainable.

Source-Connected Differential Pair

One approach to maintain a constant sum of gate-source voltages is to apply a balanced
differential input voltage, as shown in Fig. 15.29. Here, the differential pair is biased
using the dc common-mode voltage, Vg, whereas the input signal varies symmetri-
cally around this common-mode voltage. Note that, from the preceding analysis, this
input signal symmetry is important in maintaining linearity. However, in practice, a
slightly nonbalanced input signal is not the donfinant source of nonlinearity. Specifi-
cally, the linearity achievable with this approach is quite limited because MOS transis-
tors are not well modelled by square-law behavior. In addition, it is difficult to obtain
a precise difference between the two drain currents, which also causes even-order har-
monics. As a result, this technigue is typically limited to less than 50 dB of linearity.
To tune the transconductance of this circuit, the common-mode voltage, V ey, can
be adjusted. However, it should be noted that, in a short-channel process and when
moderate gate-source voltages are used, carrier velocity saturation occurs and limits
the transconductance variation. In addition, one should be aware that as the input

ine fo2

v v

Vem+ (vi/2) o o Vem-(v/2)
(ip1—ip2) = QK[VCM_VSS—Vm)(Vi)

G, = ZK(VCM ~Vgs- th)
Vss

Fig. 15.29 A source-connected differential-pair fransconductor. The differential input signal
must be balanced around V ey for linearization of the transistor square-law relation to occur.
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common-mode voltage is adjusted, linearty performance and maximum signal swing
levels change as well. One example of this approach is presented in [Snelgrove, 1992]
where speeds up to 450 MHz are demonstrated in a 0.9-um CMOS process with
around a 30- to 40-dB dynamic range performance.

Inverter-Based

A transconductor approach similar to the source-connected differential pair is the
inverter-based transconductor, shown in Fig. 15.30 [Park, 1986]. Here, two CMOS
pairs, Q.. Q;, and Q,,, Q- have replaced the two individual transistors in a tradi-
tional CMOS inverter, and the difference in their output currents is the overall output
current, i,. Assuming that all four transistors are in the active region and that the two
CMOS pairs are matched, we can use the previous results on CMOS pairs to write

i, = Koq(Vas.eqi = Vicea)’ (15.130)

and

iy = Kog(Vas.eqr = Vieg) (15.131)

Note here that these equations are in the same form as those shown in Fig. 15.28.
Thus, as in (15.129), the output current is given by

o =1 -1y = Keq(VGS-eql + VGS-eq2 - 2Vt—eq)(VG:S-eql - VGS-eq2) (15.132)

Thus, the output current is linearly related to the difference in equivalent gate-source
voltages of the CMOS pairs if the sum of their equivalent gate-source voltages is a con-
stant value. To see that a constant equivalent gate-source voltage sum occurs, we have

Veseq = Vo1 —Vin (15.133)
1 VDD

VC1 | le
VGS—eqT

__wWa,
v r vh p do=ii-iz
s
+ Qza

GS-eq2

vV
VCZ = _VC1 o—_l 02b

G, = 4Koq(Vo1 =V, o)

Vss = -Vpp

Fig. 15.30 Complementary differential-pair fransconductor using CMOS pairs.
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and
Vaseqz = Vin— Ve2 (15.134)
and therefore
VGS-eql + VGS-eq2 = VC] - VCZ (15-135)
Also, the difference in equivalent gate-source voltages is given by
VGS—eql - VGS-eqz = Vg1 + Ve - 2v, (15.136)
Finally, in the case where we choose Vg, = -V, we have
io = 4Keq(Ver = Vieg) (Vin) (15.137)

and the transconductance value can be varied by changing the control voltages, V¢,
and Vg, (which, incidentally, are high-input impedance nodes and thus are easily
adjustable). Note that, with this transconductor, matching need occur only for
transistors of the same type. Specifically, the n-channel transistors should match and
the p-channel transistors should match, but there is no need to maich n- and p-channel
transistors to each other.

Differential-Pair with Floating Voltage Sources

Another approach to maintain a constant sum of gate-source voltages is by using two
floating dc voltage sources, as shown in Fig. 15.31 [Nedungadi, 1984]. Writing a volt-

age equation around the loop, we have -
Vasi — (Vi + Vi) +Vgg — (Vi + V) = 0 (15.138)
and thus,
Vasi + Vasz = 2(Ve+ Vi) (15.139)

As a result, this circuit maintains a constant sum of gate-source voltages even if the
applied differential signal is not balanced. Also, writing two equations that describe
the relationship between v, and v,, we have

Vi-Vgsr + Vit Vin = vy (15.140)
and
Vy—Vgsa + Vi + Vi = V) (15.141)
iD1 iD2
v v
vy L L v, (it —ipe) = 4KV, (V; - V;)
+ ! —F
V., +V, V. +V,,

Fig. 15.31 A linearized differential pair using floating voltage sources.
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Subtracting (15.140) from (15.141) and rearranging, we obtain
Vgsi —Vas: = 2(V;—Vy) (15.142)

Thus, the difference between the input voltages is equal to one half the difference
between the gate-source voltages. Finally, the differential output current is found by
combining (15.129), (15.139), and (15.142) to give

(ipy —ip2) = 4KV, (v, -V,) (15.143)

One simple way to realize the floating voltage sources of Fig. 15.31 is to use two
source followers, as shown in Fig. 15.32 [Nedungadi, 1984]. The transistors labelled
nK are n times larger than the other two transistors, and thus they act as source fol-
lowers when N is large (typically, when n is 5 or greater). If n is not large, the bias
current through the two source followers changes as the input signal is applied and
linearity is worsened. A disadvantage of this circuit is that a large dc bias current
passes through the two source followers. However, if only moderate linearity 1is
desired and the input signal is relatively small (say, 500 mV), then this approach can
be quite useful.

Since it is difficult to realize a floating voltage source that drives the source of
another transistor, another approach is to modify the circuit of Fig. 15.31 such that the
floating voltage sources need drive only the transistor gates. Such a modification is
possible by replacing the single transistors shown in Fig. 15.31 with their CMOS
pairs, as shown in Figure 15.33. Note that the voltage sources must now be larger than
Vi ¢q and must include a controllable V, voltage. Fortunately, such circuits are easily
accomnplished by using two more CMOS pairs, as shown in Fig. 15.34, where the
pairs Q;,, Qs and Q,,, Q,, have been added together with two adjustable current
I sources [Seevinck, 1987]. Referring back to (15.128), we see that V, is given by

Vv, = —— /I (15.144)

SKeq

where, for simplicity, we have assumed that all CMOS pairs are matched. As a result,
the differential output current is given by

(ip; —ip2) = 4Keqlal(v, - V2) (15.145)

o2

ips
v Voo v
v, Vo
K )
K n nk K (iD1 — iDE) = [%)4»\/6_8(\’1 _VQ)
(n+ Dig

?(nﬂﬂs G, = [n—:—JuK—IB

Fig. 15.32 A linear transconductor for large n.

VSS
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lpa Ip2

Q Q L
1a 2a : Vz
- gy —1 = 4K, V (v, -V
|—1 H{(‘)% {ipy —ipg) oq Vx (V1 =~ V3)
Vi+Vigg Vit Vigg *

Ip2

Fig. 15.33 A linearized differential pair in which the floating voltage sources need
drive only the fransistor gates.

ﬂ“

B

2b
(ipq - |Dz) = 4, K la(vy-V2)
Keqle

Fig. 15.34 A transconductor that uses CMOS pairs and floating voltage sources.

Thus, we see that the output current can be tuned by adjusting the dc¢ bias current,
Ig. Note that the transconductance coefficient is proportional to the square root of
Iz and thus a fourfold increase in current results in only a factor of 2 coefficient
increase.

Before leaving this circuit, a couple of points are worth mentioning. First, note
that the output currents from this circuit are available at both the upper pair, Q,, Q,,,
as well as at the lower pair, Q,,, Q,5. Such flexibility may be useful in the remaining
transconductor circuitry. Second, note that Vgg must be at least Vi, + |V,,| below the
most negative input signal swing of either v, or v,. If we assume v, and v, have
+1-V signals associated with them around ground, then, for V,, = -V,, = 1V, Vgg
would have to be less than —3 V. Thus, assuming we have symmetrical power sup-
plies, a 6-V power supply would be needed for only a 2-V signal swing. Finally, note
that this circuit was discussed earlier in Chapter 6 as a class-AB input stage to
improve the slew rate of an opamp (see Fig. 6.16 in Section 6.5). Thus, this particular
class-AB input stage has a linear transconductance, when all transistors remain in the
active region.
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Bias-Offset Cross-Coupled Differential Pairs

Another approach to realize a transconductor with active transistors is to use two cross-

coupled differential pairs where the input into one pair is intentionally voltage offset

[Wang, 1990]. One implementation of this approach is shown in Fig. 15.35, where the

differential pair Q,, Q, is cross coupled with the bias-offset differential pair Q,, Q.

Here, we assume all transistors are in the active region and are matched (i.e., we assume

all transistors have equal device parameters of K and equal threshold voltages of V., ).
To find the differential output current, we first find

i, = K(v, =V, - V) +K(v, - Vg -V, - V)’ (15.146)
i and
iy = KV~ V=V + K(v, - Vg -V, - V)’ (15.147)
Now finding the difference, i, — i,, we have
(i, =) = 2KVg(V, = V,) (15.148)

Thus, the output differential current is linear with respect to the differential input volt-
age (as expected) and the transconductance value is proportional to Vg. Note, how-
ever, that the bias currents through Qs, Qg Q,, and Qg are all square-law related to
Vg. Thus, the transconductance value is proportional to the square root of the chang-
ing bias current, as in the other active transistor CMOS transconductors. Also, note
that the bias current, Igg, does not affect the transconductance value but does deter-
mine the maximum (or minumum) output current available.

Finally, note that this offset-bias linearizatien technique can also be realized in a
single-ended version with only a few transistors, as shown in Fig. 15.36 [Bult, 1987].
The analysis is left to the reader.

Voo Voo
A ¥’
v G Qe - v
1 ._+_|.E___|I; Q, de: T V2
Vg Q Q Vi
— ;_'tl 3 Vx 4HI._.4 —_
d) Lo (i —ip) = 2KVg(v, — vy}
Q;
Vss + Vg T s ik, Qs G,, = 2KV,
Vg _
v
Vss

Fig. 15.35 A bias-offset crosscoupled transconductor,
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Vg ~+—| Q,
vy — Q, iy =iy = K(Vs'zvm)(z‘ﬁ‘vs)

V1 °—| 01

Fig. 15.36 A single-ended offsetbias transconductor.

15.5 BICMOS TRANSCONDUCTORS

In this section, we discuss some of the reported approaches for realizing BiICMOS
transconductors and filters.

Tunable MOS in Triode

One approach for realizing a BICMOS integrator is shown in Fig. 15.37 [Laber,
1993). Here, linearization and tuning are accomplished by using transistors Q,
through Q. which are all assumed to be in the triode region. As we saw in Section
15.3, the currents through these transistors are ideally linear if their drain-source volt-
ages are kept constant. Although in practice “these currents have rather large

VDD VN
1a;, G

@ @ T—
i B l_T _\+'—l vy
. ;->- v,
Vo ek

[“sr"' rh—rg
I 1 |

7
o
g

= 4 .
Vb Va Va Vb  ¢—— Two differential inputs

Fig. 15.37 A fully differential two-input BiICMOS integrator using
MOS transistors in triode, Q, through Q4. G,-C opamp infegro-
tion is used to reduce parasitic capacitance effects. Note that, in
addition to a common-mode feedback circuit for the output {not
shown), the common-mode voltage at the input nodes of the
opamp must also be set.

630 of 720




15.5 BiCMOS Transconductors 617

second-order distortion, fortunately even-order distortion products are significantly
reduced in a fully differential structure. The drain-source voltages of Q, through Q,
are controlled through the use of the two emitter followers, Q, Q;. This simple volt-
age control is one of the benefits of using a BiICMOS process since a MOS source fol-
lower would have too much voltage variation. Note that additional inputs into this
integrator are added as simply two extra transistors (a two-input integrator is shown).
Various coefficient ratios can be obtained by scaling the sizes of the input transistors.
However, because of the shown tuning circuit connection, all coefficients in one inte-
grator will scale together as the control voltage is varied. Note also that a Gy,-C
opamp integrator is used to reduce the effects of parasitic capacitance. Also, transis-
tors Q, Qg are included to realize lead compensation. Finally, it should be men-
tioned that a common-mode feedback circuit is required at the output nodes of the
differential opamp. Also, some method is needed for setting the common-mode volt-
age at the opamp inputs. The BiCMOS filter in {Laber, 1993] is built in a 1.5-um, 4-
GHz BiCMOS technology and operated around 20 MHz using a 5-V supply. The
transconductor demonstrated moderate linearity of around 50 dB when processing 2-
Vpp differential output signals, but no mention is made of any intermodulation results
or the frequency of the test signals.

Fixed-Resistor Transconductor with a Translinear Multiplier

Another approach that has been successfully used to realize BICMOS filters that have
very high linearity has been to use highly linear_transconductors realized using fixed
resistors and then achieve tuning by following the transconductor with a translinear
multiplier. As we saw in Chapter 8, the output of a translinear muitiplier is lincar with
respect to one of its input currents, and its gain coefficient can be scaled as the ratio of
two other currents in either a positive or negative fashion.

A translinear multiplier can be used for realizing a low-distortion BiCMOS inte-
grator, as shown in Fig. 15.38 [Willingham, 1993]. Here, the output currents from
fixed-value transconductors are applied to a translinear multiplier, such that tuning

Control
+ gm1 CI
Vi A I, +i, ] ](Input 1) i
Vi e—o| 7L <+ Transl AL IS Ve
ranslinear
Ome | [AnPUt2)] oo iplier (Output) + 1> -
+ v
Vo —% _ Bl ~ °
- IE =1y 1L
v, - - )

Fixed transconductors

Fig. 15.38 A two-input BICMOS integrator using fixed resistor-degener-
ated transconductors together with a translinear multiplier for tuning. The
common-mode voltage at nodes A and B was set by using a low-input-
impedance opamp.
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3 can be accomplished while maintaining high linearity. The outputs of the translinear
l: multiplier are applied to a Miller integrator to once again maintain high linearity. In
this implementation, the input impedance of the fully differential opamp is kept low
such that a fixed voltage occurs at the input nodes of the opamp, thereby setting the
input common-mode voltage. Phase-lead resistors are also used in series with the inte-
gration capacitors (not shown) to improve the integrator’s phase response.
‘ The fixed transconductors are realized using resistor degeneration and local feed-
back, as shown in Fig. 15.39. Figure 15.39%(a) shows that local feedback around the
I two shown opamps force their input nodes to be equal, and therefore the applied input

~! was tunable from 7.5 MHz to 10 MHz. The results of this low-distortion BiCMOS fil-
1 ter are quite impressive; third-order intermodulation products remained below 65 dB,
i with respect to the input signal, when measured using two-tone inputs near 4 MHz.
i Finally, it should be mentioned that the circuit also uses a center tap on each of the R,
F resistors to set the common-mode voltage of the preceding output. With this simple
addition. much of the traditional common-mode circuitry is eliminated since it is nec-
essary only to compare the center ap voltage with a dc reference signal and then feed
back the appropriate control signal.

Similar approaches, in which a highly linear transconductor that has local feed-
back is followed by a current attenuator, ar® also possible using ordinary CMOS and
are now gaining in popularity [Chang, 1995].

i voltage appears across R, . A simplified circuit implementztion of this approach is
J% shown in Fig. 15.39(b), which shows that the opamps are implemented with only a
" PMOS transistor and current source.

‘ This integrator was used to build a seventh-order low-pass filter in a 2-pum,
' 2.5-GHz BiCMOS process that featured thin-film resistors. The filter passband edge

Igs + lga : g1 +Igo
R
_’"‘V‘V V_
) +
i Vi Tgi—ix Iny+iy =
Yoo
. IB? IBZ

Vg
(b)

I
13} (Igo—i,) and (Igy +1i,) go to the translinear multiplier.
I

b Fig. 15.39 A fixed BICMOS transconductor: (o] the two local feedbacks keep the input voltage
b applied across R, ; (b circuit implementation,
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Fixed Active MOS Transconductor with a Translinear Multiplier

A BiCMOS integrator intended for applications that require high-speed operation,
wide tuning range, and only moderate linearity is shown in Fig. 15.40 [Shoval,
1993]. In this circuit, the common-mode voltage, V. is set to a constant value (it is
set by a common-mode feedback circuit); the result is that the differential currents of
Q.. Q, and Q,, Q; are linearly related to the balanced differential voltage (as dis-
cussed in Section 15.4). This linear voltage-to-current conversion remains at a fixed
value (resulting in a relatively constant linearity performance and input swing level},
and transconductance wning is performed with the aid of a translinear muitiplier.
Note, however, that two pairs of MOS transistors are performing voltage-to-current
conversion on the balanced input signal. The reason for using two pairs is to maxi-
mize the largest possible transconductance of the overall circuit for a given bias cur-
rent. Specifically, if the multiplier is tuned to send all of ic, ic; through to vj, vg,
respectively, then the signal currents add together and the overall transconductance is
equal to twice that which occurs for a single set of MOS transistors (without an
increase in bias current). Alternatively, if the multiplier is tuned to send all of iqq, ic;
through to Vv, Vg, respectively, then the currents subtract, causing a zero overall
transconductance. Finally, if the translinear multiplier is tuned to cause a zero output
(i.e., to cause two constant dc currents at the multiplier outputs), the overall transcon-
ductance is equal to that caused by transistors Q,, Q,, which is half the maximum
value, Thus, the use of two pairs on the input signal doubles the maximum possible
transconductance at the cost of being able to tune the transconductance only from
zero to the maximum value. In other words, the Sverall transconductance value can-
not change signs by changing the muitiplier control signal. Of course, both positive
and negative transconductance values can be obtained by cross-coupling the output
signals,

L,  Veu-(v/2)
_-|l

Vem+(vi/2) =|l'_J .'l:IQg Qsi'_’l:

Q _ [-i.y vl+iy v Q.
' ! }
I—i ¢ II C, {Qutput) I ?

T o—{ Translinear
Control°_ multiplier

(Input 1}

(Input 2) !
QS € Q? - OB

v

VSS

Fig. 15.40 A BiCMOS integrator using MOS transistors in the active region for lineariza-
tion, and a translinear multiplier for tuning. The common-mode feedback circuit is not shown.
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This BICMOS integrator is used to realize a second-order pulse-shaping filter
operating on 100-Mb/s data. Although the filter has a wide tuning range of approxi-
mately 10:1, it achieves only a moderate spurious-free dynamic range level of 35 dB.

15.6 MOSFET-C FILTERS

Although G,-C filters are the most common type of continuous-time filters used
in integrated circuit applications, another closely related technique is that of
MOSFET-C filters. MOSFET-C filters are similar to fully differential active-RC
filters, except resistors are replaced with equivalent MOS (ransistors in triode.
Since active-RC and MOSFET-C filters are closely related, one benefit of
MOSFET-C filters is that a designer can use the wealth of knowledge available
for active-RC filters. However, MOSFET-C filters are generally slower than their
Gp-C counterparts since they use Miller integration (i.e.. the integrating capaci-
tors are connected around a high-gain amplifier). Also, they are turther reduced in
speed in a CMOS technology because opamps capable of driving resistive loads
are required as opposed to only capacitive G,-C filters. However, they are com-
petitive in BiCMOS technologies where high-transconductance opamps are avail-
able. Here, we discuss three variations of MOSFET-C filters—two-transistor
integrators, four-transistor integrators, and R-MOSFET-C filters.

Two-Transistor Integrators ~

An example of a two-input fully differential active-RC integrator and its two-transis-
tor MOSFET-C counterpart is shown in Fig. 15.4]1 [Banu, 1983]. Before we look at
the linearization mechanism that occurrs in a MOSFET-C integrator, let us look at the
equivalence of the two circuits in Fig. 15.41. In the active-RC filter, the two input

R i
v 1 —» no C no C
MW - -
R P2 1y v,
Vo2 o P 2" o Vo . « Vo
R wy . —_> ..">
v n2 = v - v
n2 R J“V‘rinz VX +/ po Vx } po
n1 JL IL
Vi AAA — > L) [ . _’ ||CI
In1 |po 'm Ipo
(a) (b)

Fig. 15.41 (o) A twoinput activeRC fully differential integrator. {b) A two-input twotransistor
MOSFET-C integrator. The MOS transistors are in the triode region.
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voltages of the opamp are equal (due to negative feedback) and, defining these two
input voltages to be V,, we can write

Vo -V, vV
+

. . . pL— p2 x
e = lgy+lyz = (15.149)
" ° P Rp] RpZ

and
. . . Vi — Vx Vnz_Vx
oy = 0o+, = + 15.150
po = It +in = —p—+ = (15.150)

The output signals are given by

Voo = Vy— = 15.151
po X SCI ( )
and
i
Vyp = Vy— — 15.152
no X SCI ( )
Thus, the differential output signal, vy, is
_ lno = lpo
Vaitt = Vpg— Vne = SCI (15.153)

Assuming the component values in the positive and negative half circuits are equal, or
specifically, if

-

R, =R, =R, ad R, =R

» =Ry = Ry (15.154)

we have

Vain = Sag Vei = Vo) * g Vo~ Veo) (15.153)
Thus, we see that the differential output signal, vy, equals positive integration of the
two input differential signals. Negative integration is easily obtained by cross-
coupling two input or output wires. Note that the common-mode signal, V,, does not
affect the final result.

Since the transistors in the MOSFET-C integrator, shown in Fig. 15.41(b), are
assumed to be in the triode region, the small-signal analysis for the MOSFET-C inte-
grator is quite similar to that for the active-RC circuit. Recall from (15.86) that the
smatl-signal equivalent resistance of a transistor in triode is given by

FDS = ] (15.156)

w
uncox[t}(VGS - th)

Thus, assuming the transistors are matched, the differential output of the MOSFET-C
integrator is given by
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Vairr = (Vo1 = Vo) + (Vpz2—Vn2) (15.157)

8rps 1 C; Srps.Cy

where

W
1eCox( T (Vo - Vi Vin)
|

Here, note that V, is important because it helps to determine the small-signal
resistance of the transistors. Tuning can be accomplished by varying the contral volt-
age, V..

So far, we have analyzed the small-signal operation of a MOSFET-C integrator.
In this MOSFET-C case, the differential input signals, (Vpy, Vo) and (Vp, V), are
assumed to be balanced around a common-mode voltage, V. set by the output
common-mode feedback from the previous integrators. The common-mode feedback
of the integrator causes the integrator’s two outputs to be balanced also. As a result,
it can be shown that V, is related to the square of the input signal. This nonlinear
relationship at V, together with the nonlinear current through triode transistors
results in quite linear single-ended signals at V, and V. In addition, since the cir-
cuit is fully differential, even-order distortion products cancel, as depicted in Fig.
10.17. Thus, two-transistor MOSFET-C integrators can be used to realize filters with
around & 50-dB linearity. :

Based on the block diagram shown in Fig, 15.18; an example of a general second-
order MOSFET-C filter is shown in Fig. 15.42(a). Here, the terms G; represent the
small-signal drain-source conductance of the transistors. The transfer function for this
filter can be found by drawing its equivalent active-RC half circuit, as shown in
Fig. 15.42(b). The output of the first integrator is given by

Vi(8) = ~ S SVi(S) =~ Vel®) (15.159)
A A

whereas the second integrator’s output is given by
sCgVy(s) = Gyv,(8) - G,v{(S) - sC,vi(8) — Gsv(8) (15.160)
Combining the preceding two equations and rearranging, we have
Cil.: (& GG,
— |8+ — 5+
Ce Cs) |CaCs
Vo(S)
= - (15.161)
V|(S) 2 Gs G3G4
+(Z s+ (0
Cs CaCs
Thus, we see that the transfer function is general, and that negative coefficients can be
realized by cross-coupling appropriate signal wires.
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Fig. 15.42 (q] A general second-order MOSFET-C filter. {5) The equivalent
active-RC half circuit.

Four-Transistor Integrators

One way to improve the linearity of a MOSFET-C filter is to use four-transistor
MOSFET-C integrators, as shown in Fig. 15.43 [Czarnul, 1986]. The small-signal
analysis of this four-transistor integrator can be found by treating this one-input inte-
grator as effectively a two-input integrator in which the two input signals are
(Vpi— Vi) and the inverted signal is (V,; — V,,;). With such an observation, and apply-
ing (15.157), the output signal is given by

(Vpi— Vo) +

Vaiff = (Vi = Vpi) (15.162)

87pgCy Srpg,Cy

where

I’DSE = (15163)
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VC1
2 Qp
Vi Tt CI
VCQ IL
1)
. On2 \ ] VHO
All transistors Q = +>
matched p2 = Voo
[t<
Ve .
_9_ O 1 Ll
v i CI

ni @

Fig. 1543 A singleinput fourtransistor MOSFET-C
integratar. It can cancel both even and odd distortion
products if the nenlinear terms are not dependent on
the contral signals, Ve, and V..

and
1

w
“ncox[tl[vc2 - Vx - Vi]

Mbs: = (15.164)

In the case where all four transistors are matched, we can combine the preceding
equations to obtain

-

Viitt = Vpo— Vno = (Vpi = Vii) (15.165)

srpsC;
where rpg is given by

os = ! (15.166)

W
unCox(tJ(VCI - VC:)

Thus, we see that the effective resistance is determined by the difference in the control
voltages.

With regard to the distortion properties of this integrator, it has been shown for long
channel-length transistors that the drain-source current in a triode transistor is reason-
ably well modelled by an equation in which the nonlinear distortion terms do not
depend on the controlling gate voltage. In other words, although the linear term of each
drain current is set by the controlling gate voltage, all distortion terms of the drain cur-
rents remain equal in the pair Q,,, Q> as well as in the pair, Qp,;, Q,, since, within
each pair, the drain-source voltages are equal. As a result of the cross-coupling connec-
tion, both the even and odd distortion terms cancel. Unfortunately, this model does not
hold as well for short-channel devices, and transistor mismatch also limits the achiev-
able distortion performance. Hence, 1n practice, one might expect around a 10-dB lin-
earity improvement using this technique over the two-transistor MOSFET-C integrator.
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R-MOSFET-C Filters

Another technique intended to improve the linearity of MOSFET-C filters is the use
of additional linear resistors [Moon, 1993]. An R-MOSFET-C first-order filter and its
MOSFET-C counterpart are shown in Fig. 15.44. Using the equivalent active-RC half
circuit, shown in Fig. 15.44(¢), one finds the transfer function of this first-order R-
MOSFET-C filter to be given by

V,(8) _ R,/ R, (15.167)

sy R
vi(s) sC,[Rz(l b—a ﬂ +1
R, 1R, ll Ry,

where Rq, and R, represent the small-signal drain-source resistances of Q, and
Q,, respectively. Note that the dc gain of this first-order filter is not adjustable. How-
ever, it can be set precisely since it is determined by the ratio of two resistors. In addi-
tion, the time constant can vary from a minimum value of R,C; to an arbitrarily large
value by changing the values of Ry, and Rg, via the control voltages, Vs, and
V. What this transfer function equation indicates is that at low-frequencies, the

_\{CQ Ver Ve R
2
4
Tt AAA
VC C H| 4 "C'
— —A—4=T[E =
+ 01% =~ * QJ Th Q.
- -+ .
: Y +/t>_"' AL Y "'T;h- ZIE"—LVD
02 i _,_A'Mr_J_-; Q4 “C]
IIC Q W
_I_f_ ! R1 3 l'l'l'
T% R
Ve
{a) (b)
; R,
‘ 'Yy
wy
¢
R, Ras v v, (S} R,/R,
Vi Ay yre - - Vo vi(s) T R
Q2 + sC.|Ro| 1+ —— 1
Vy —wl = I Ry IR, Il Rg,
(c}

Fig. 15.44 (a) A firstorder MOSFET-C filter. {b) A firstorder R-MOSFET-C filter. (c} Equivalent active-
RC halfcircuit for R-MOSFET-C filter.
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feedback around R, forces node v, 1o act as a virtual ground, and therefore excellent
linearity is obtained since the circuit is essentially a resistor-only circuit. In [Moon,
1993], a linearity of approximately —90 dB is observed with input signals in the range
of a few kilohertz. At higher frequencies, the linearity steadily decreases, and mea-
sured results of —70 dB are reported at the passband edge of a fifth-order Bessel filter
(the passband is around 20 kHz). However, it should be noted that the measured val-
ues are total-harmonic-distortion values. and no intermodulation results are reported.

One other approach that has been used to realize high-linearity continuous-time fil-
ters is simply to realize differential active-RC filters, but to realize the capacitors using
digitally programmable capacitor arrays. For example, [Durham, 1993] describes a filter
intended for digital-audio interfaces that achieves distortion products at a -94-dB and a
95-dB signal-to-noise ratio.

15.7 TUNING CIRCUITRY

As mentioned at the beginning of this chapter, one disadvantage of continuous-time
integrated filters is the requirement of additional tuning circuitry. This requirement is
a result of large time-constant fluctuations due mainly to process variations. For exam-
ple, integrated capacitors might have 10 percent variations, whereas resistors or
transconductance values might have around 20 percent variations. Since these elements
are constructed quite differently, the resulting RC or G,/ C time-constant products
are accurate to only around 30 percent with these process variations. In addition, tem-
perature variations further aggravate the situation because resistance and transconduc-
tance values change substantially over temperature. Thus, we need tuning circuitry to
modify transconductance values such that the resulting overall time constants are set
to known values. 1t should be noted, however, that although absolute component toler-
ances are high, relative accuracies can be quite good. Specifically, the ratio of two
capacitors (or [wo resistors, or two transistors) can be matched to under | percent. This
section discusses some techniques to realize tuning circuitry for integrated continuous-
time filters. Note that, although the tuning approaches are discussed while we refer to
G,q-C (transconductance-C) filters, the concepts are easily extended to other integrated
continuous-time filters, such as MOSFET-C filters.

Tuning Overview

Consider once again the G,,-C continuous-time biquad filter shown in Fig. 15.11. Its
transfer function, repeated here for convenience, is given by

2 CX Gms szGm4
s ———|+58 +
Cy+Cpg Cx +Cg [CalCyx +Cp)l

His) = {15.168)

2 Gm3 GmIsz
$ +5 +
Cy+Cp [CalCyx+Cp)]
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First, note that the numerator coefficient for s is set by the capacitor ratio of
Cy/(Cx+ Cg) and can therefore be quite accurate (i.e.. the absolute values of the
capacitors are unimportant—only their relative values matter). Second, although the
transconductance values, G, have large variations in their absolute values, rela-
tive transconductance values can also be set reasonably accurately. For example, if
the transconductors are realized as bipolar differential pairs with an emitter degen-
eration resistor (as shown in Fig. 15.11), then the relative transconductance values
of two transconductors is set by the ratio of their respective emitter degeneration
resistor (assuming the gain-cell currents are equal in the two transconductors). Sim-
ilarly, if other transconductors of the same type are used, their relative G, values
can be accurately set by choosing appropriate transistor sizes, bias currents, or resis-
tor values (or some combination of the three). As a result, we can write all the
transconductance values, G, as an accurate constant multiplied by some basic
transconductance value. Specifically, let us write all the transconductance values,
Gp,:» as a function of G, resulting in

Gy = KniGmy (15.169)

Here, the constants, K, are set reasonably accurately by appropriate transistor, resis-
tor, or bias-current scaling. Furthermore. let us also write

CX+CB = kXBCA (15.170)

where Kyg is a constant that is accurately set as the ratio of capacitance values. With
such an approach, (15.168) becomes

o[ Cx }S Kns )G - [ KimaKims (G
—_— —_— —_— + —
(Cx+Cg) kxg )| Ca Kxg Ca

) = - (15.171)
2 {kmj} [Gmi] (kmlkmzj [Gml]
S +8— || — |+ ——
I‘(XB CA kXB CA

We see from (15.17) that four of the coefficients for this second-order filter can be
accurately set if only one ratio is tuned—that of G,/ C,. The other two coefficients
(those corresponding to s?) should not need adjustment since they do not rely on any
RC-type time constant. Since it is difficult to tune C,, the ratio G, /C, is tuned by
changing G,,,. Of course. as G, is varied, all the other transconductance values,
G, are also changed since their values track that of G, by their respective con-
stants, K. It should be mentioned here that this same single transconductance tuning
is also valid for higher-order filter structures.

In summary. the most common way to tune a continuous-time integrated filter is
to build an extra transconductor that is tuned (tuning details are discussed next) and to
use the resulting tuning signal to control the filter transconductors, as shown in
Fig. 15.45. Such an approach is commonly referred 10 as indirect frequency tuning.
This tuning is indirect since one relies on matching between the filter transconductors
{and parasitic capacitances) and the extra transconductor. In other words, the filter is
not directly tuned by looking at its output signal. Frequency tuning refers to the fact
that the ratio G.,,/C, is equal to the unity-gain frequency of a G,-C integrator
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(G,;/Cy is also proportional to the pole frequency, ®,, in a first- or second-order fil-
ter).

Unfortunately, this frequency-tuning approach may not be sufficient in some
applications due to nonideal integrators or mismatch effects. In these applications,
some extra tuning circuitry known as Q-factor tuning (discussed later in this section) .
can be used. It is also possible to implement direct tuning where the filter is tuned by
directly looking at the filter’s output. Two such direct approaches are also discussed
in this section.

Constant Transconductance

As just discussed, if no tuning is performed, one might expect around a 30-percent tol-
erance on the absolute value for the G,,,/C ratio. However, integrated capacitance tol-
erance typically accounts for only a 10-percent variation in the overall 30-percent
tolerance. Thus, in applications where a 10-percent variation can be permitted (such as
an anti-aliasing filter with a sample rate moderately higher than the Nyquist rate), it is
sufficient to set only the G, value with the use of a fixed external resistor. As we will
see below, such tuning of a G, value is not difficult and does not require any clock
signals.

In the case where 10-percent accuracy is not enough, clearly one must also
account for capacitor tolerance. One way to do so (while stiil not needing a clock sig-
nal) is to have a variety of external resistors available and choose the most appropti-
ate one to also account for capacitor tolerance. With such an approach, one might
expect that the overall G,/ C ratio would be accurate to under 1 percent. Although a
variety of methods exist for choosing this external resistance, one way is to use a
known value of external resistance and measure the step response of the filter during
system production. This step-response result can then be used to determine the C
value, and hence the proper resistance value can be calculated. Finally, since inte-
grated capacitors typically have small temperature coefficients, overall temperature
effects are small if the external resistor is also chosen to have a low temperature
coefficient.

Transconductance-C filter

vV,
—RRER -
Extra transconductor

plus tuning circuitry @ Ven

|

Fig. 15.45 indirec! frequency tuning. Note that, although the tuning signal is
shown here as a voltage signal, it may also be realized using a set of current
controlling signals.
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To set a transconductance value equal to the inverse of an external resistance,
(i.e., G = 1/Rgy). a variety of feedback circuits can be used. Two example circuits
are shown in Fig. 15.46, where it should be noted that. in both cases, it is assumed the
transconductor’s transconductance increases as the level of the control signal is
increased. In Fig. 15.46(a). if G, is too small, the current through R, is larger than
the current supplied by the transconductor, and the difference between these two cur-
rents is integrated with the opamp and capacitor. As a result, the control voltage,
Vot 18 increased until these two currents are equal (but opposite in direction) and,
therefore, G, = 1/Reyq. The circuit in Fig. 15.46(b) shows two voltage-to-current
converters—one is the transconductor being tuned. and the other is a fixed voltage-to-
current converter that simply needs a large transconductance and is not necessarily
linear. (It might be implemented as a simple differential pair.) This circuit operates as
follows: If G,, is too small. then the voltage at the top of Rg will be less than Vg
and the fixed V/I converter will increase I... At steady state, the differential voltage
into the fixed V/I converter will be zero. resulting in G, = 1/Req.

Frequency Tuning

A precise tuning of a G,/ C, ratio can be achieved if an accurate time period is avail-
able. For example, assuming one has available an accurate clock frequency, say, for »
then one method of frequency tuning is by using a switch-capacitor circuit as shown
in Fig. 15.47 [Viswanathan, 1982]. Here, the tuning cirenit is quite similar to the con-
; stant-transconductance approaches of Fig. 15.46xexcept that the external resistance is
replaced with a switched-capacitor equivalent resistance. From Chapter 10, the equiv-
alence resistance of the switched-capacitor circuit is given by Rgq = 1/(fuCrp), and
therefore the transconductance value. G, is set to f4Cp,. In this way. the G,/ Cy
ratio is accurately set to (f;,Cp,)/Ca. and hence precise frequency tuning can be

C,

v Icnll
- cht
+

{For both circuits)
(a) 1 (b)
G, =
Rexl

Fig. 15.46 Constant transconductance tuning. Possible tuning circuits if the transconductors are {a)
voltage controlled or {b) current controlled. In both cireuits, it is assumed the transconductor’s transcon-
ductance increases as the level of the control signal increases. Vi is an arbitrary voltage level,
whereas C; is an integrafing copacitor used fo maintain loop stability.
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achieved without any external components. Note that an additional low-pass filter,
R,C , has been added here to remove the high-frequency ripple voltage due to using a
switched-capacitor circuit. It should also be noted that, since this method requires a
clock signal, there is a strong possibility that some of the clock signal will leak into
the continuous-time filter, either mainly through the transconductor controlling signal
or through the IC substrate.

One difficulty with this switched-capacitor tuning approach is that it requires
large transconductance ratios (and hence poorer matching) if high-frequency filiers
are desired. For example, consider the case of a 100-MHz filter, where the G,/ Cp
ratio should be set to around 27 x 100 MHz. If a capacitance value, C,, is assumed
to be 1 pF, then G, = 21 x 10 * V/A. Thus, in the tuning circuit of Fig. 15.47,
assumning that C, = | pF, we would require the switched-capacitor circuit to be
clocked at the impractical frequency of

G —4
b = om = 22X10 o8 Mug (15.172)

Com 1x10™"

At first glance, one might consider reducing this clock frequency by increasing the
value of C, but, although f,, is reduced, settling-time requirements remain difficult
since the capacitance, Cy,, is larger. Another way to reduce f;, is to let the tuning cir-
cuit set a smaller transconductance value, say, 0.1G, . In this way, f, is reduced by
ten but the filter’s transconductors must be 10 times greater than the tuning circuitry’s
transconductor. Thus, poorer matching occurs between the filter and the tuning cir-
cuitry, resulting in a less accurate frequency setting for the filter.

Another approach to lower the clock frequency of this switched-capacitor tuning
circuitry is by using two scaled current sources, as shown in Fig. 15.48 [Silva-
Martinez, 1992]. Using an equivalent resistance of —1/f4,C, for the switched-
capacitance circuit, and noting that the diode-connected transconductor is equivalent
to a resistor of value 1/G,, one can show that when the average current into the inte-
grator is zero, the transconductance value is given by

G, = Nf, Cn, (15.173)

entl

Vc:ntl

Fig. 1547 A frequencytuning circuit where G is set by a switched-
capacitor circuit. The switched-capacitor branch has a clock frequency of f ), .
The low-pass filter, R,C, is set to a frequency low enough to reduce the high-
frequency ripple voltage.
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Thus, the clock frequency of this circuit is N times lower than that for the circuit
shown in 15.47. This circuit was used to tune a 10.7-MHz bandpass filter, where a
value of N = 148 was used, resulting in a clock frequency of only 450 kHz. The low-
pass filter was also realized by using a switched-capacitor circuit and an off-chip
capacitor.

Another approach to achieving frequency tuning is to use a phase-locked loop
(PLL) (described in Chapter 16) as shown in Fig. 15.49 {Tan, 1978]. Here, two con-
tinuous-time integrators are placed in a loop to realize a voltage-controlled oscillator
that is placed into a phase-locked loop. After the circuit is powered up, the negative-
feedback of the PLL causes the VCO frequency and phase to lock to the external ref-
erence clock. Once the VCO output is locked to an external reference signal, the
{ G,/ C ratio of the VCO is set to a desired value, and the control voltage, V., can be
‘ used to tune the integrated filter. It should be noted that choosing the external refer-
ence clock is a trade-off because it affects both the tuning accuracy as well as the tun-
ing signal leak into the main filter. Specifically, for best matching between the tuning
circuitry and the main filter, it is best to choose the reference frequency that is equal to
the filter’s upper passband edge. However, noise gains for the main filter are typically
the largest at the filter’s upper passband edge, and therefore the reference-signal leak
into the main filter’s output might be too severe., As one moves away from the upper
passband edge, the matching will be poorer, but an improved immunity to the refer-
ence signal results. Another problem with this approach is that, unless some kind of

- Low-pass Vern
02 o1 s filter

Fig. 15.48 A switched-capacitor frequency-tuning circuit that operates at a lower clock

entl

frequency.
External v
reference Phase —— LOV\:f—pass cntl
clock —»  detector filter

Voltage-

controlled

oscillator

{(VCO)

Fig. 15.49 Frequency tuning using a phaselocked loop. The YCO is realized by
using fransconductor-based integrators that are tuned to adjust the VCO's frequency.
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power-supply-insensitive voltage control is added to the VCO, any power-supply
noise will inject jitter into the control signal, V. The addition of amplitude control
is quite complicated. For a good discussion of this phase-locked-loop approach, see
[Krummenacher, 1988; Khoury, 1991]. For a better understanding of the operation of
a phase-locked loop. see Chapter 6.

Another, somewhat similar, approach that has been used is based on having a
tracking filter that locks onto a fixed-frequency input [Khorramabadi, 1984). This
approach is reported to be less sensitive to power-supply noise. The control voltage
for the tracking filter is used to adjust the transconductors that are used in the actual
system, assuming the transconductors in the tracking filter match the transconductors
in the actual system. An example calibration system is shown in Fig, 15.50. When the
low-pass filter has the same resonant frequency as the external reference clock, it has
exactly a 90-degree phase shift. Therefore, the correlation between its input and out-
put is zero. If the frequencies are not the same. then the correlation, as obtained by the
multiplier and integrator. is nonzero. The negative feedback from the ouiput of the
integrator to the frequency-control voltage of the filter drives the resonant frequency
in the proper direction to equalize the two frequencies. After lock is obtained, the
same control voltage can be used for other filters. The other filters will be tuned to
known time constants, assuming they maich the filter in the control loop.

It is important that the integrator in the loop have a very low-frequency time con-
stant in order to filter out the component at twice the external reference frequency that
is present at the output of the multiplier. Otherwise, this component can cause clock
leakage into the other filters being tuned. A variant on this scheme drives the correla-
tion between a notch output and a low-pass filtér output (obtained from the same
biquad) to zero when one is obtaining the control voltage [Kwan, 1991]. This latter
method has much fewer signal components at twice the frequency of the external ref-
erence clock and does not require as large a time constant for the integrator in the
loop. This makes the latter method more readily integrable without external compo-
nents. Also, the loop is less sensitive to phase errors; it will always converge to the
nofch frequency, even when the difference in phase between the low-pass and notch
outputs is not exactly 90°,

Q-Factor Tuning

In some applications. such as high-speed or highly-selective filtering, nonideal inte-
grator effects and parasitic components force the need to also tune the Q factors of the

/ chl

External — > Low-pass
refeI rerllce filter 4 X To other
cloc —» .
/ filters

Fig. 15.50 Using a tracking filter to derive o control signal for tuning continucus-time filters.
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poles of the integrated filter. However, it should be noted that most commercial inte-
grated filters do not presently have Q-factor tuning due to increased circuit complex-
ity and design difficulty. Also. the addition of a Q-factor tuning circuit increases the
possibility that some of the reference tuning signal leaks into the main filter. How-
ever, it is likely that more applications in the near future will require Q-factor tuning,
and thus we present a brief discussion of it here.

One way to perform Q-factor tuning is to tune the phase of the filter’s integrators
to ensure that they all have a 90-degree phase lag near the filter’s passband edge. An
integrator’s phase response can be adjusted by introducing a tunable resistance (say,
realized as a transistor in triode) in series with the integrating capacitor. The control
voltage for this tunable resistance, Vg, is generated by a Q-factor tuning circuit,
shown in Fig. 15.51, and passed to all the filter integrators.

Alternatively. in the case where the integrated filter is second order, the pole Q
i can be adjusted by changing the transconductance of the damping transconductor in
the filter. Specifically, referring back to (15.171) and equating the denominator to a
second-order denominator written in the form of ®, and Q, we have,

k G [ ¢ G ’ 0}

2 m3 mi ml™m2 ml 2 c 2

s — | = - | =8 +8— 5 15174
+S(kXBJ{CA]+( Kxa J[CA] * (Q]HD" 13174

Equating the two sides of (15.174). we find the following relationships:

®, = [%J /k’"‘k’"z- (15.175)
CA kXB
k K Kmo

Q= | 28| i (15.176)
km3 kXB

From this Q relationship, we see that the Q factor of the filter’s poles is inversely
proportional to K, ;. and hence one need only tune G, ; to adjust the Q factor of this
second-order filter.

The control signal, Vg, for either of the preceding Q-factor tuning approaches
can be realized using the magnitude-locked loop system shown in Fig. 15.51 [Schau-
mann, 1990]. The circuit’s operation is based on the knowledge that a Q-factor error
results in a magnitude error in a filter’s frequency response. To measure the magni-
tude error, a sinusoidal signal of an appropriate reference frequency is applied to a Q-
reference circuit, and the magnitude of its output is compared to a scaled version of
the input signal’s magnitude. This sinusoidal frequency might be obtained as the out-
put of the VCO in the frequency-tuning circuitry.

Tuning Methods Based on Adaptive Filtering

Adaptive filters are commonly used in digital-signal-processing applications such as
model matching, channel equalization. and noise (or echo) cancellation. It is also
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Fig. 15.51 A magnitudedocked leop for Q-factor tuning. The Q-reference circuit is typically a

second-order filter that is frequency tuned through the use of V.

15-lavel
DAC Reference
signal
soquence | —»{  Tenbe H— Sror
SIS DAG filter . signal
Gradient
signals
Coefficient Adaptive tuning <
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Fig. 15.52 A tuning approach in which all the poles and zeros of the
tunable filter can be adjusted. The 15-level DAC outputs are deter-
mined by what the ideal filler response would generate, while the
adaptive tuning circuitry minimizes the error signal.

possible to use adaptive filter techniques to tune a continuous-time integrated filter to
a given specification. One example of such an approach is shown in Fig. 15.52 [Kozma,
1991], where the adaptive tuning circuitry is used to minimize the error signal, During
tuning, the input to the tunable filter is a predetermined output from a pseudorandom
(PN) 4-bit sequence and a D/A converter. Since the input is known and repetitive, the
ideal output from a desired transfer-function can be precalculated (or simulated) and
used as a reference signal for the adaptive system. After adaptation, the transfer function
of the tunable filter should match that of the desired filter, and, by freezing the coeffi-
cients (assuming they are digitally controlled), the tunable filter can be disconnected
from the tuning circuit and used in the desired operation. With this approach, it is pos-
sible to tune all the poles and zeros of the tunable filter to better match the desired
transfer function. Although the adaptive tuning circuitry simply consists of compara-
tors, analog multiplexors, and integrators, note that this adaptive tuning scheme has not
yet been fully integrated or experimentally verified in a high-frequency application.
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Fig. 15.53 A tuning method to implement a pulse-shaping filter needed for data com-
munication sysiems.

Another adaptive-filter tuning method intended for high-speed data transmission
over a twisted-wire pair is shown in Fig. 15.53 [Shoval, 1995]. In this application, the
filter input is a data stream of ones and zeros that are represented by the input signal
being either high or low. Before transmission, a pulse-shaping filter is required to
ensure that not too much high-frequency power 1is radiated from the twisted-wire
channel. The two tuning loops (frequency and Q-factor loops) rely on the fact that the
input to the filter is a series of steps (say, 21 V), and thus, in fact, tune the step
response of the filter. Specifically, frequency tuning is accomplished by ensuring that
the zero crossing of the filter’s low-pass output occurs at the correct time period after
a data transition. Also, Q-factor tuning is performed by comparing the peak in the fil-
ter’s bandpass output with a known voltage. Fortunately, the peak in the bandpass
output occurs at approximately the same time as the zero crossing, so both detectors
can be realized through the use of two clocked comparators, which are triggered at a
set time after a data transition. This approach was used to tune a second-order filter
intended as a pulse-shaping filter for a 100-Mb/s data transmission. In summary,
clever tuning techniques can be implemented when a restricted set of input signals are
applied to a tunable filter such as in data communication circuits.

15.8 DYNAMIC RANGE PERFORMANCE

Analog circuits generally have many different performance criteria that must be met
s0 that overall system performance meets specifications. Some typical analog filter
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performance criteria are transfer-function accuracy, power consumption, linearity,
and noise performance. In this section, we discuss the last two items—Ilinearity and
noise performance. Linearity limits the value of the largest usetul signals that can
occur in the filter, whereas noise limits the value of the smallest useful signals. Thus,
we find that linearity and noise together determine the useful dynamic range of a fil-
ter. It should be noted here that the dynamic range of integrated continuous-time fil-
ters is often a crucial measure since its value is often low and can seriously impair
system performance.

Total Harmonic Distortion {THD)

If a sinusoidal waveform is applied to a linear time-invariant system, it is well known
that the output will also be a sinusoidal waveform at the same frequency, but possibly
with different magnitude and phase values. However, if the same input is applied to a
nonlinear system, the output signal will have frequency components at harmonics of
the input waveform, including the fundamental (or first) harmonic. For example, if a
1-MHz sinusoidal input signal is used, the output signal will have power at the funda-
mental, 1 MHz, as well as at the harmonic frequencies, 2 MHz, 3 MHz, 4 MHz, and
so on. The rotal harmonic distortion (THD) of a signal is defined to be the ratio of the
total power of the second and higher harmonic components to the power of the funda-
mental for that signal. In units of dB, THD is found using the following relation:

Vi, + Vo + Vi + oo
THD = lOlog{ L e J

(15.177)

5

Vi

where V, is the amplitude of the fundamental and V,,; is the amplitude of the ith har-
monic component. Sometimes THD is presented as a percentage value. In this case,

THD = ~ % 100 (15.178)

For example, a 0.1-percent THD value implies that the amplitude of the fundamental
is 1,000 times larger than the amplitude of the harmonic components. This 0.1-percent
THD value is equivalent to a value of —60 dB THD. It should also be noted that the
THD value is almost always a function of the amplitude of the input (or output) signal
level, and thus the corresponding signal amplitude must also be reported. Also, for
practical reasons, typically the power of only the first few harmonics (say, the first 5)
are included since the distortion components usually fall off quickly for higher har-
monics.

One difficulty with the use of THID in reporting filter performance is that often
the harmonic components fall in the stopband of the filter, and thus the THD value is
falsely improved. For example, if a 21-MHz low-pass filter is being tested, then a 5-
MHz input signal results in the 10-MHz, 15-MHz, and 20-MHz components falling
within the passhband, whereas higher distortion components will be attenuated by the
filter. However, filter lingarity is often worse when higher input signal frequencies are
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applied due to nonlinear capacitances or, worse, nonlinear signal cancellation. Thus, it
is useful to measure filter linearity with input signals near the upper edge of the pass-
band. Unfortunately, if a 20-MHz input signal is applied to the example low-pass fil-
ter, the second and higher harmonic components lie in the stopband and the THD
value will indicate much better linearity than would occur for a practical application,
Moreover, the testing of a narrowband filter always has this THD measurement diffi-
culty since the use of an input frequency in the passband will be attenuated by the fil-
ter’s stopband. In summary, a THD measurement is straightforward to perform but
does not work well in the important test of high-frequency signals near the upper
passband of the filter. Fortunately, as we will see next, one can use intermodulation
tests to measure filter linearity near the upper passband edge.

EXAMPLE 15.9

Calculate the THD value of a signal in which the fundamental component is at 1
MHz and has a power level of --10 dBm, and the only significant harmonics are
the first three above the fundamental. These harmonics, at 2 MHz, 3 MHz, and 4
MHz, are measured to have power levels of -53 dBm, -50 dBm, and —56 dBm,
respectively.

Solution

Recalling that O dBm refers to a 1-mW signal, then the power of the fundamen-
tal component is 100 UW, whereas the power of the first three harmonics are 5
nW, 10 nW, and 2.5 nW, respectively. Thus, the total power of the harmonics is
equal to

P = (5°+10°+25% 7 = 115 aW (15.179)
As a result, the THD is calculated to be

100 pW

THD = IOlog(——
1.5 nW

) = 394 dB (15.180)

Note here that the third harmonic (i.e., 30 MHz) essentially dominates the THD
measurement.

Third-Order Intercept Point {IP3)

Here, we introduce the concept of the third-order intercept point (1IP3) as a measure
for the third-order distortion component [Carson, 1990]. We focus here on third-order
distortion since, for fully differential circuits, the even-order distortion components
are ideally zero and, thus. third-order distortion typically dominates. However, in
cases where second-order distortion dominates. a similar concept is also possible and
is referred to as the second-order intercept point (1P2).
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Consider a nonlinear system’ with an input signal, v,,(t), and an output signal,

Vo(t). The output signal can be written as a Taylor series expansion of the input signal:
Vo®) = 8,Vin(D) + 8,Vin(D) + 8;Vin() + BVt + - (15.181)

Here, the linear term is a,, whereas a,, a,, and a, characterize the second-, third-,
and fourth-order distortion terms, respectively. As mentioned previously, in fully dif-
ferential circuits, all even terms (i.e., 8, and a,) are small, so typically a, dominates
and we approximate V() as

V() = a,vi, (1) +azviad) (15.182) |
If v,,(1) is a sinusoidal signal given by j
vi,() = A cos(et) (15.183) |

the output signal can be shown to be approximated by
a
v,(1) = a,A cos{mt)+ fAB[B cos{ot)+ cos(3wt)] (15.184)

where we see a fundamental term and a third-harmonic term. Defining Hp, and Hg,
to be the amplitudes of the fundamental and third-harmonic terms, respectively, we

can write
v,(1) = Hp, cos(mt} + Hp; cos(30t) (15.185)
Since, typically, (3/ 4)a3A3 << a,A, one usually approximates the linear component
of the output signal as -
Hp, = a,A (15.186)
and the third-harmonic term as
H a; A
D3 T ) (15.187)

Finally, we see that the third-order distortion term results in power at the third har-
monic frequency and the ratio of Hp5/Hp, is defined as the third-order harmonic dis-
tortion ratio, given by

H a z
HD, = -2 = [_3)(5] (15.188)
Hoo a/\4

Unfortunately, as just noted, this distortion term lies at 3mt for a single sinusoidal
input, and thus we resort to an intermodulation test to move the distortion term back
near the frequency of the input signals.

Consider now the case of an intermodulation test, where the input signal consists
of two equally sized sinusoidal signals and is written as

v, (1) = Acos{w,!) + A cos{m,t) (15.189)

3. We assume here that the nonlinear system is memoryless and time invanant. Unfortunately, filters are
not memoryless, and a Voltetra series should be used; however, this assumption simplifies the analysis and
usually results in good approximations for distortion figures.
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In this case, the output signal can be shown to be approximated by
9a; ,
vt = (alA + -4—A )[ cos{w,;1) + cos(w,t)]
43,3
+ IA [cos{3®,1) + cos(3w,1)]

24 (15.190)
+ T3A3[cos(2m1t +@yt) + cos (20, + @,1)]

3a; ,
+ TA [cos(m,t— Amt) + cos{m,t + Awt)]

where A@ is defined to be the difference between the input frequencies (i.c.,
A® = ®,- ®) which we assume to be small. Here, we see that the first line of
(15.90) is the fundamental components, the second line shows the levels at three times
the fundamentals, the third line also describes distortion at nearly three times the fun-
damentals, and the fourth line describes the distortion levels at two new frequencies
that are close to the input frequencies (slightly below ®; and slightly above ®,). As a
resuli, for a narrowband or low-pass filter, these two new distortion components (due
10 third-order distortion) fall in the passband and can be used to predict the third-order
distortion term.

Using the same notation as in the harmonic distortion case, we have the intermod-
ulation distortion levels given by

I, =aA  ~ (15.191)
and
3a; ,
Ip; = —A (15.192)
4
The ratio of these two is the third-order intermodulation value, given by
I a, ) 3A”
D, = 2 =|2 A (15.193)
Iy, al\ 4

From (15.191) and (15.192), note that, as the amplitude of the input signal, A, is
increased, the level of the fundamental rises linearly, whereas the I, rises in a cubic
fashion. For example, if A is increased by 1 dB, then Ip, also increases by 1 dB
while I; increases by 3 dB. Thus, when the fundamental and intermodulation levels
are plotted in a dB scale against the signal amplitude, A, the two curves are linear, but
with different slopes, as shown in Fig. 15.54. The third-order intercept point is
defined to be the intersection of these two lines. Note, however, that as the signal
amplitude rises, the linear relationships of I, and Ip; are no longer obeyed due to the
large amcunt of nonlinearities violating some of our original assumptions. For exam-
ple, in (15.190), we ignored the cubic A term in estimating the fundamental level,
Ip,,. Also, other distortion terms that were ignored now become important. As a result,
it is impossible to directly measure the third-order intercept point, and thus it must be
extrapolated from the measured data. The third-order intercept point results in two
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Fig. 15.54 Graphical illustration of the third-order interceptpoint. 1IP,
and OIP; are the input and output third-order intercept points, respec-
tively. They cannot be measured directly due to compression of the fundo-
mental and intermadulation products at high-power levels.

-

values—IIP,; and OIP., which are related to the input and output levels, respec-
tively. If the linear gain term, a,, is unity (or, equivalently, 0 dB), then IIP; = OIP;.
However, if a, is not unity, one must be careful to state which of the two intercept
points is being reported.

Knowledge of the third-order intercept point is quite useful in determining what
signal level should be chosen to achieve a desired intermodulation ratio, 1D ;. Specifi-
cally. we see from (15.193) that_ 1D, improves by 2 dB for every 1 dB of 51gnal level
decrease (since it is related to A’ ) and that OIP; is defined to be the I, point where
ID,; = 0 dB. Thus, we have the simple relationship (all in decibels)

D
OIP, = ID‘_73 (15.194)

EXAMPLE 15.10

If OIP, = 20 dBm, what output-signal level should be used such that the third-
order intermodulation products are 60 dB below the fundamental?

Solution
Using (15.194) with ID; = —60 dB, we have
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D,
; IDl = OIP3+-'2— = —-10 dBm (|5.195)

Thus, an output level of —10 dBm should be used.

Spurious-Free Dynamic Range (SFDR}

Spurious-free dynamic range (SFDR} is defined to be the signal-to-noise ratio when
the power of the third-order intermodulation products equals the noise power. In
Fig. 15.55, the filter’s output noise power is shown along the vertical axis as N_. If a
low enough signal level is used, I, will be well below the noise floor. However,
since Ip; rises 3 dB for every 1 dB of signal-level increase, there will soon be a point
where 1, is equal to the noise power. As the figure shows, SFDR is defined to be the
output SNR ratio when Ip; is equal to N,. Alternatively, one can measure SFDR
using the input-signal levels as the difference between the level that results in
Ip; = N, and the level Ay, that results in a fundamental output level equal to N,

To find a formula relating SFDR, OIP,, and N, (all in dB units), we first note
that

SFDR = Ig, - N, = Ip, - Ip, (15.196)

where I*Dl and IEB refer to the output and distortion levels when I5; = N, as shown
in Fig. 15.55. Since the units are assumed to be indB, we also have, from (15.193),

ID3 = ID3_IDI (15.197)
(dBm) A
OIP, sy _ Thirdorder
1%, ) intercept point

, \ /r "'
--t-—SFDFI—)/ .
Z | » Inputlevel A

(Noise floor)

Fig. 15.55 Graphical illustration of spuriousfree dynamic range
(SFDR).
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Using (15.194), we have

. (No-1¢
OIP, = ID,—¥ (15.198)

and substituting in I, = SFDR + N, from (15.196) and rearranging, we have

SFDR = %(OIPJ—NO) (15.199)

EXAMPLE 15.11

At an input-signal level of 0 dBm, an intermodaulation ratio of —40 dB was mea-
sured in an filter with a gain of 2 dB. Calculate the value of the input and output
third-order intercept points. What input-signal level should be applied if one
wants an intermodulation ratio of —45 dB? If the noise power at the output is
measured to be —50 dBm, what is the expected SFDR, and what output-signal
level does it correspond to?

Solution

With an input level of 0 dBm and a gain of 2 dB, the output level is
Ip, = 2dBm with a measured value of ID; = —40 dB. Using (15.194),
we have

-

1D,
OIP, = Ip, - == = 22 dBm (15.200)

whereas the IIP- is 2 dB lower (i.e., IIP; = 20 dBm).
For signal levels corresponding to an intermodulation of ID, = 45 dB, we
have

1D, 45
Ip; = OIP3+—2- = 22-— = -05dBm (15.201)

However, this value is the level of the output signal, so the input signal should
be 2 dB lower or, equivalently, the input-signal level should be at -2.5 dBm .
Note that this result could have been obtained more directly by noting that a
5-dB improvement in distortion was desired, implying that the signal level
should be decreased by (5 dB)/2.

Finally, we use (15,199} to find

SFDR = 3(22+50) = 48 dB (15.202)

from which the output level is given by

Ip, = SFDR+N, = -2 dBm (15.203)
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Thus, when the output level is at —2 dBm, the third-order intermodulation
power equals the noise power. If the output level is increased, the distortion
products will increase and limit the dynamic-range performance. However, if
the output level is decreased, the distortion products will be buried below the
noise floor, and the noise will limit dynamic-range performance. Therefore,
optimum dynamic-range performance is obtained at an output level of -2 dBm.
However, note thal the dynamic-range performance is actually 3 dB below the
SFDR value since the dynamic range is based on the ratio of the signal power to
the distortion plus the noise power {which are both equal at this point).
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15.10 PROBLEMS

Unless otherwise stated, assume the following:
*  npn bipolar transistors:

B = 100

Vi =80V
: T, = 13 ps
; T, = 4 ns

fp, = 330 Q

* n-channel MOS transistors:
H,Cox = 92 HA/V’
n =08V
y =05V
rgs(€2) = 8, OOOL (um)/ I (mA) in active region
C/=24x10° pF/(um)2
Cl aw = 2.0 10~ pF/(1m)
Coy = 1.9% 10 pF/(um)*
Cgs(overlap) - ng(overlap) = 2.0x10° pF/].lm
¢ p-channel MOS transistors:
LpCox = 30 pA/V?
Vip = 09V
v=08V"
ras(€2) = 12 OOOL(um)/ID(mA) in active region
Ci=45x10" pF/pm
Cl cw = 2.5% 10 pF/pm
Cop = 1.9% 107 pF/(um)’
Cgsmverlapn - ng(overﬂap) = 20x 10 pF/um

<

15.1 Show that the input impedance (at nodes i, ) of the Miller integrator shown in
Fig. 15.6 is on the order of 2/ (grz.nz rqs) at frequencies where capacitors 2C,
can be considered short circuits.
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15.2

15.3

154
15.5

15.6

15.7

15.8

15.9

15.10

15.11

15.12

15.13

15.14

Based on the block diagram of Fig. 15.9, find transconductance values for a
first-order filter with a dc gain of 10 and a pole at 15 MHz (no finite zero).
Assume the integrating capacitors are sized C, = 5 pF.

Find the transconductance and capacitance values of the second-order filter of

Fig. 15.11 for a low-pass filter with a pole frequency of 10 MHz, Q = 1,
and a dc gain of 5.

Derive the design equations for the biquad circuit shown in Fig. 15.24.

Consider the transconductor shown in Fig. 15.13. Find the transconductance
of this circuit for finite opamp gains A,

In the transconductor of Fig. 15.12(b), find the minimum collector voltages of
Q,, Q; such that they remain in the active region for v; = +1 V around a
common-mode voltage of 2 V. Repeat for the transconductor of Fig. 15.13.

In the transconductor of Fig. 15.14, find the new transconductance value if the
base-emitter areas of Q;, Q4 are four times those of Q,, Q, .

Consider the transconductor of Fig. 15.14, where we want G, = 1 mA/V,
What are reasonable values for I, and I, such that all transistors do not fall
below 20 percent of their nominal bias current when the peak value of

v, = V] — v is 500 mV?

Consider the linearized two-differential pairs shown in Fig. 15.20, where

I, = 2 mA. Find the percentage of error between an ideal linear transconduc-
tor and the true output current when v; = 48 mV.

Consider the circuit Fig. 15.21, with I, =100 pA, I, = 10 pA,

(W/L)y =2, Ve =5V,andv; = 25V.

a. Find the transconductance, G, .

b. Assuming a perfectly linear transconductor, find i,, when Vv; equals
26V and 3 V.

c. Find the true value of i,, when v{ equals 2.6 V and 3 V by taking into
account the triode equation for Q, (assume everything else is ideal).
Compare your results with those in part b.

Choose reasonable transistor sizes for the circuit in Fig. 15.25 to realize a
transconductor that has G, = 0.3 mA/V, k,/7k; = 6.7, and a peak differ-
ential-input voltage of 1 V.,

Consider the circuit in Fig. 15.30, where all transistors have W/L =
10 I.Lm/2 um, VDD = _VSS =25 V, and VC] = _VC2 =20V.
Find the transconductance of the circuit.

Show that the transconductance of Fig. 15.32 is given by
n
Gp = (_)4 3
™ \n+1 B

Consider the transconductor shown in Fig. 15.34, where all transistors have
size W/L = 10 um/2 pm, Iz = 50 pA, and Vpp = —Vgg = 3 V. What
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15.16

15.17

15.18

15.19
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is the maximum differential input, v, — v, (centered around 0 V), that can be
used while maintaining proper operation?

Show that the circuit of Fig. 15.36 results in

i i, = K(VB - zvm)(wl - Va)

Using two-transistor integrators, design a MOSFET-C second-order low-pass
filter with a pole frequency of 1 MHz, Q = 1, and a dc gain of 2. Let the
integrating capacitors be 10 pF, Vo = 3 V,and V, = 0 V.

Calculate the percentage THD value of a signal in which the fundamental
component is at 1 MHz and has a voltage level of 1 V., and the only signif-
icant harmonics are the first three above the fundamental. These harmonics, at
2 MHz, 3 MHz, and 4 MHz, are measured to have voltage levels of

I mV .05 mV ., and 0.3 mV g, respectively.

If a circuit is measured to have IIP; = 10 dBm and has a gain of 6 dB, what
output-signal level should be used such that the third-order intermodulation
products are 60 dB below the fundamental?

At an input-signal level of —4 dBm, an intermodulation ratio of —40 dB was
measured in a filter with a gain of 6 dB. Calculate the value of the input and
output third-order intercept points. What input-signal level should be applied
if we want an intermodulation ratio of —50 dB? If the noise power at the out-
put is measured to be —60 dBm, what is the expected SFDR and what output-
signal level does it correspond to? .
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Phase-Locked Loops

Phase-locked loops (PLL) are analog building blocks used extensively in many ana-
log and digital systems. An application where PLLs are used is clock recovery in
many communication and digital systems. A second application area is frequency
synthesizers used in televisions or wireless communication systems to select different
channels. A third area is in the demodulation of frequency-modulated signals. These
are only a few of the application areas, but it is safe to say that phase-locked loops
have become an important building block in many electronic systems.

Although PLLs are highly nonlinear systems, it has been found that when they are
in lock, their transient behavior can be reasonably well approximated by linear differ-
ential equations. Indeed, analysis methods similar to those first developed to describe
PLLs have now been applied to other important nonlinear systems such as adaptive
filters and switching power supplies. Thus, understanding the small-signal modelling
of PLLs can be very useful in understanding magy important signal-processing sys-
tems.

16.1 BASIC LOOP ARCHITECTURE

The basic architecture of a PLL is shown in Fig. 16.1 The PLL usually consists of a
phase detector, a low-pass filter, a gain stage, and a voltage-controlled oscillator
(VCQ) configured in a loop. The phase detector is a circuit that normally has an out-
put voltage with an average value proportional to the phase difference between the
input signal and the output of the VCO. The low-pass filter is used to extract the aver-
age value from the output of the phase detector. This average value is then amplified
and used to drive the VCO. The negative feedback of the loop results in the output of
the VCO being synchronized with the input signal. Depending on the type of the
phase-locked loop, the output of the oscillator may or may not have a phase difference
compared with the phase of the input signal.

In most PLLs, the low-pass filter is first or second order. The simplest possibility
is an RC low-pass filter, which historically has been the most commonly used filter.
However, as will be seen shortly, a first-order tilter having a low-frequency pole and a
higher-frequency zero is recommended. There are many possibilities for the phase
detector, including a simple exclusive-OR gate, a sample and hold, an analog mulii-
plier, or a combination of digital circuits such as D flip-flops. The voltage-controlled

648
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Low-pass
filter Gain
+ VDd Ip
Vin O————
in Phase p| H.(s) Kpp o Qutput
——P» detector T voltage

Average voltage proporticnal to phase difference

VCI’I“

VCO <

VOSC

Fig. 16.1 The basic architecture of a phase-locked loop.

oscillator typically has an output that is either a square wave or a sinusoidal signal. A
square-wave output might be used in applications where the input is a digital signal,
whereas a sinusoidal output might be used in a wireless frequency synthesizer, for
example. Normally, the amplitude of the input signal will be known, since its value
can affect loop dynamics depending on the choice of phase detector. When the input
signal’s amplitude 1s not known, the input might be converted into a digital signal by
first sending it through a limiter circuit, or perhaps the input signal may be amplified
to a predetermined amplitude by applying it to an automatic-gain-control (AGC) cir-
cult,

To understand phase-locked loops, a simple example will be considered. In this
example, the input signal, V,,, is assumed to be a sinusoid with a known amplitude.
The phase detector is realized as an analog multiplier having a relationship given by

Vpd = KMVinVosc (]6])
where V4, is the VCO output, V4 is the phase-detector output, and Ky, is a multi-

plication constant. It will also be assumed that the low-pass filter has a transfer func-
tion given by

1+sT,

Hip(s) = (16.2)

1 +s1,
where T, << 1,. This first-order transfer function is known as a lead-lag filter and
represents a fairly general form for PLL applications.

Let the input signal be described by a sinuscid having

V,, = Ein sin(mt) (16.3)
and the output of the voltage-controlled oscillator is given by a sinusoid where
Vioee = Egee sin(wt-04 +90°) = E g cos(ot —¢g) (16.4)

The argument ¢4 represents the phase difference between the input signal and the out-
put of the oscillator. The reason for the 90° offset is so that when the phase difference
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is zero the average output of the phase detector (which is an analog multiplier for our
example) is zero, The combination of an analog multiplier followed by a low-pass filter
performs what is commonly known as the correlation function on analog signais. When
the input signal and the VCO output have a 90° phase difference (i.e.. o4 = 0), they
are uncorrelated and the output of the low-pass filter will be zero. From this 90° phase
offset, if the phase difference changes so that the two waveforms are more in phase (i.e.,
¢4 > 0), then the correfation and, therefore, the output of the low-pass filter will be pos-
itive, For example, from (16.4), if 4 = 90°, then the output of the oscillator and the
input signal would be exactly in phase, and the average output of the phase detector is
found to be the amplitudes of the two sinusoids multiplied together and divided by two,
resulting in
Vet = Kip&u@ (16.5)
This situation is approximately shown in Figure 16.2, where ¢4 is taken slightly
smaller than 90° to distinguish the two waveforms. Also shown is the output of the
multiplier, V4, for the case of Ej; = Egee = 1 V, and Ky = 1 V™' Here, it is seen
that the output is at twice the frequency of the input signal and that it has an offset
voltage of approximately 1/2 V. This corresponds closely to the maximum possible
output of the low-pass filter. On the other hand, if the phase changes so as to make the
two waveforms more out of phase, then the correlation between them and the output
of the low-pass filter will be negative. Shown in Fig. 16.3 are some examples of the
different waveforms. It is readily seen that ¢, > 0 corresponds to the waveforms that
are more in phase. -
These statements can be quantified analytically. The output of the phase detector
is given by

Vpd = KuVinVosc = KuEinEose sin(wt) cos(owt-- b4) (16.6)

—0.4 W ' Wt ! 'y i -
_oel 1y I vy ‘o I I

'
-0.8 W : N I v I 7

—1

\
L L - . 4
O =2 < L] 8 10 1z 14 16 18 20

Fig. 16.2 The output of the phase detector when the input signal and the oscillator are nearly
in phase.
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T
V.. = sin(mt+90°--)
; °%¢ 8 V., = sin[mt+90°+g)

-

Fig. 16.3 The relative phase angles of the input signal and the output of the oscillator.

-

Using the trigonometric identity
sin(A) cos(B) = %[sin(A +B) + sin(A - B)] (16.7)

we have

EinEOSC - .
Voa = KM—Z———[sm(q)d) + sin{2mt - ¢4)] (16.8)

The low-pass filter’s function is to remove the second term at twice the frequency of
the input signal.l The signal V. is therefore given by

II'IEOSC

Ve = KImeT sin(¢q) (16.9)

Note that V, is either a dc value or a slowly varying signal, assuming that the fre-

quency of the input signal is constant or slowly varying. For small ¢4, we can approx-
imate (16.9) as

E, E
V.::ntl = KIpKM%S'Eq)d = KIprdq)d (16.10}

1. The extent to which this is not true is a major source of distortion when sinusoidal VCOs are used.
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Thus, the output of the low-pass filter is approximately proportional to the phase dif-
ference between the output of the oscillator and the input signal, assuming the 90°
offset bias is ignored. This approximation is used in analyzing the PLL to obtain a lin-
ear model. The constant of proportionality is called K4 and is given by

EinEosc

Kog = K
pd M 7

(16.11)

Note that with this analog-multiplier phase detector, K4 is a function of the input
amplitude and oscillator output amplitude. As we shall soon see, K4 affects loop
dynamics, and thus we see the need for having known values for E;, and E .

To understand the operation of the PLL, assume the VCO has a free-running fre-
quency (), when its input is zero. Also, assume that the input signal is initially equal
to the free-running frequency of the VCO, and the system is in lock with ¢4 = 0 and
the output of the low-pass filter is also equal to zero. Next, assume the input fre-
quency slowly increases. This will initially cause it to lead the VCO output (again
ignoring the 90° offset), which corresponds to ¢4 > 0, since ¢4 is defined as the dif-
ference between the input signal’s phase minus the VCO’s output signal’s phase.
Since for &4 = 0, the input and VCO output were 90° out of phase, now with
$q>0, the two waveforms will become more in phase (see Fig. 16.3) and after a
short time (roughly the time constant of the low-pass filter) the output of the low-pass
filter will go positive. Since the two waveforms are now assumed to be at slightly dif-
ferent frequenctes, the phase difference, and therefore the output of the low-pass fil-
ter, will slowly continue to increase. Howevgr, the frequency of the VCO is
proportional to its control voltage. so the increase in the low-pass filter’s output will
cause the VCO’s frequency to increase until it is the same as that of the input signal
again, which will keep the two signals in synchronism (i.e., locked). Of course, the
opposite would occur if the input signal’s frequency decreased. Specifically, the aver-
age output of the phase detector would become negative, which, after being averaged
by the low-pass filter, would drive the oscillator to a lower frequency until it is again
identical to the frequency of the input signal and the two waveforms are again syn-
chronized. It is readily seen here that the phase-locked loop stays in lock because of
the negative feedback of the loop in which the phase of the oscillator’s output is sub-
tracted from the phase of the input signal.

Note, however, that at this new input frequency, which does not equal the free-
running frequency of the VCQ, their phase difference is no longer 90°. We can find
the new phase difference for these two locked signals by noting that the frequency of
the oscillator’s output signal is given by

Woge = Koscvcnti + Oy (16.12)

Here, @y, is the free-running frequency of the VCO when its control voltage is zero
and K_.. is a constant relating the change in frequency to control voltage ratio. The
output voltage of the amplified low-pass filter is now given by

Wy — Wy

Ve = K
08

(16.13)
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where @y, is the frequency of the input signal, which is equal to the frequency of the
oscillator’s output. From (16.10), we also have

Ve O — O
KK KipKpgK

04 (16.14)

pd 0sC

EXAMPLE 16.1

Consider a PLL where the amplitudes of the input signal and the oscillator out-
put are both at a 0.75-V peak. An analog multiplier is being used for the phase
detector, which would have a 2-V output when both inputs are dc values of
2 V. The VCO has a free-running frequency of 10 MHz, which would decrease
to zero for Vy = —1 V, and the gain block is unity (i.e., Kj; = 1). When in
lock, what is the phase difference between the input and oscillator output when
the input frequency is 11 MHz ? What is the phase difference when the input is
9 MHz ? How does the phase difference change if K, = 27

Solution
Since V4 = KyVi;Vose, we have Ky = 0.5 V™', Using (16.11), we also have

inEosc

K

oa = K = 0.1406 V/rad (16.15)

In addition, we find -

AWgee _ 21t x 107 rad/s

Koo = = 628 x 10" rad/Vs 16.16
o8¢ AVcnll lV ( )

Making use of (16.14), we have for the case w;, = 11 MHz,
_ 2mx (1l MHz - 10 MHz)
. KIprdKosc
resulting in the phase difference between the input and escillator output being
90° — 40.8° = 49.2° (i.e., becoming closer to an in-phase difference of 0°).

= 0.7112 rad = 40.8° (16.17)

For the case where ®,, = 9 MHz, we have 04 = —40.8°, resulting in a
phase difference of 130.8° (i.e., becoming closer to an out-of-phase difference
of 180°).

If K, = 2, then half the phase difference results in the same VCO control
voltage, V. Therefore, for o, = 11 MHz, ¢4 = 20.4°, and for oy, =
9 MHz, 64 = —20.4°,

Linearized Small-Signal Analysis

The phase-locked loop is a highly nonlinear system. Fortunately, once a PLL is in
lock, its dynamic response to input-signal phase and frequency changes can be well
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approximated by a linear model, as long as these changes are slow and small about
their operating or bias point.

Before the linear model is presented, first consider a sinusoidal signal where the
frequency is slowly varying with time. This signal can be represented by the equation

v(t) = E sin[@(t)t + ¢4(t)] (16.18)

where @(t) and ¢4(t) are both deterministic signals that slowly change with time.
The total phase at any instance in time is given by

() = o)t +o4(t) (16.19)
For the time being, assume ¢4(t) is a constant. The instantaneous frequency is defined
to be
do(t
() = (16.20)

Note that in the case where w(t) is also a constant, we see from combining (16.19)
and (16.20) that we have the satisfying intuitive result that the instantancous fre-
quency, W, (t), is equal to o(t).

If we integrate both sides of (16.20), we have

O() = 9(0) + [, 0ypm(1) I (16.21)

and we see that the instantaneous phase is the integral of the instantaneous frequency,
From here on, we will assume that the instantaneous frequency and w(t) are, for prac-
tical purposes, the same and drop the subscript from W;net(t) to make our notation
simpler (although this simplification is not necessary). If we take the Laplace trans-
form of both sides of (16.20), we have

o(s) = L) (16.22)

)

where ¢(s) and w(s) are the Laplace transforms of ¢(t) and (), respectively.
This relationship will be used in modelling the relationship between the VCO’s input-
control voltage and the phase of its output signal.

We can now give an approximately equivalent, small-signal model for a phase-
locked loop that relates the phase of the input signal and oscillator output to the low-
pass filter output voltage. It should be noted that this model is a small-signal model in
that it relates changes about an operating point. In other words, the phase variable rep-
resents changes in phase from reference signals that were identical to the true signals
at the beginning of the analysis. Similarly, any frequency variables, which will be
introduced shortly, also represent changes from the original frequencies at the begin-
ning of the analysis. A signal-flow graph for the linearized small-signal model is
shown in Fig. 16.4. The constant, Kpd, is given by (16.11). Recalling (16.12),

Wosc = KoscVent + (16.23)

note that since we are only modelling changes about an operating point, the term w;, is
absent from the signal-flow graph (SFG) of Fig. 16.4, as it is a nonchanging bias term,
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Kpa
$in(S) o + > P K|pH|p(5) o Ve
i Kosc
Posc(S) L 1/s & «

Fig. 16.4 A signal-flow graph for the linearized smallsignal model of a PLL

when in lock.

It is now possible to analyze the SFG of Fig. 16.4 to determine the transfer function
that relates the Laplace transform of V 4(8) to the Laplace transform of ¢;,(s). We have

Vern (8) = KogKipHi(8) [0,(S) — Gos(S)] (16.24)
and
KooV
oss) =~ ) (16.25)

Combining equations (16.24) and (16.25) and rearranging gives
Vern(S) sKyaKipH p(8)
din(s) s+ KdelpKoscHlp(s)

Equation (16.26) is general in that it applies to almost every phase-locked loop. Dif-
ferences between one PLL and another are determined only by what is used for the
low-pass filter (which determines H,,(8)), the phase detector (which determines
K,q), or the oscillator (which determines K, ). Normally, most low-pass filters have
a function similar to that given in (16.2). Substituting the first-order low-pass relation
given in (16.2) into (16.26) and rearranging results in

(16.26)

s(1 +s87,)
vV K
} |(S) cnll(s) 0SC

- ¢in(s)

> (16.27)
S Tp
KooK oK

+ Tz)-i-
Ip™osc

1
tos(—
KoaKipKose
Thus, we see that the relationship is a second-order transfer function. The fact that the
gain is zero at dc signifies that for phase changes (not frequency changes), the output
of the low-pass filter will eventually settle to its original bias value.

To find the relationship between V., and the input frequency, we can use (16.22)

to obtain
1
(1+s71,)
V.u(S K
cnll( ) = s3:14] (16.28)
W;a(8) 1 $1T,
1+ (s— + 1:2)+ ———
KdelpKosc KdeIpKosc

669 of 720




656  Chapter 16 * Phase-locked Loops

This transfer function has a de gain of 1/K,,.. This result was expected because the
input voltage to the VCO must change by exactly this amount to keep the loop in lock
when the input frequency changes.
Note that {16.28)} has frequency appearing in two fashions. Specifically, we see
! that the input is frequency and the relationship between the input frequency and the
| low-pass filter’s output voltage is also a function of the frequency variable, . What
this implies is that the low-pass filter’s output voltage is a function of how fast the
input frequency changes, which we have constrained to be slow. The variable 8, when
replaced by jw, represents the periodic rate at which the input frequency changes,
assuming this change is sinuscidal.
In results of both {16.27) and (16.28), the transfer functions are second-order—a
5 fortunate occurrence, as these transfer functions are well understood. Second-order
‘ transfer functions are often written in the form

Hesy = NS) (16.29)
D(s)
where D(s), the denominator, is expressed as
2
, D(s) = 1+ ——+% (16.30)
©Q o

The constant @y, is called the resonant frequency of the transfer function, For small Q
(around 1/2 or slightly larger), the transient time constant of the complete loop for
small phase or frequency changes is roughly given by

= —l- (16.31)
0

. Toul
The constant Q is called the Q factor® of the transfer function. Normally, for good
settling behavior when step changes of the input signal occur, one would choose a Q
factor equal to 1/2. Such a choice results in real poles for the transfer function. Alter-
natively, one might want maximally flat group delay, in which case one would choose
Q=1/ ﬁ = 0.577. A third alternative would be to have maximally flat amplitude
response, in which case one would choose Q = 1/ /2 = 0.707. For most PLL appli-
cations, the first choice of setting Q = 1/2 is recommended.
Setting the term multiplying each power of 8 in (16.30) equal to the correspond-
ing term in the denominator of (16.27) or (16.28), then solving for ®; and Q, results in

Kp?l
W, = 2! (16.32)
T
and
2

o +1,K,)
pl

2. For those more familiar with damping factor, G . of a second-order transfer function, note that
ag=1/2Q.
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where

For most cases, when ®, is much less than the oscillator’s free-running frequency,
we have 1, >> (1/K3,) = 1/(KpgKysc). and therefore
LA

Q = = — {16.35)
w,T, TzKpII

Note that taking Q@ = 1/2 and using (16.32) and (16.35) results in

2./
= J: = i (16.36)
Wy,

} Tz K
: Thus, the frequency of the zero in the numerator of (16.28) (that is, 1/1,) is at one-
half the resonant frequency of the loop. Remembering this fact makes for very simple
component selection in PLLs. Note also that this zero is responsible for some peaking
! in the magnitude of the transfer function given in (16.28). This peaking might be a
i problem in some PLL applications (such as in some communication systems) but can
i be eliminated if necessary [Lee, 1992].

In a normal design process, the designer will either have little choice over K4
and K,e. or will choose them based on practical considerations such as power dissi-
pation and desired signal amplitudes. One would next choose 7, to achieve the
desired loop settling time, using (16.31) and (16.32). Finally, one would choose T, to
obtain the desired Q factor of the loop. -

Note that in the special case where T, = 0 and the low-pass filter is a simple
first-order low-pass filter with no zero (in which case it could be easily implemented
using a resistor and a capacitor only), we have from (16.33)

Q= Jt.K, (16.37)
Substituting (16.37) into (16.32) results in

K3 Ky gK
pll pdtosc
‘T Q Q
Thus, for a given K, and Q factor, the resonant frequency of the loop is completely
determined. If the loop is designed to have w, substantially less than K, K., then
Q will be large and its transient response will be extremely poor. This limitation is
the major reason why most well-designed PLLs have a zero in the loop filter (i.e.,
T, #0).

pll

EXAMPLE 16.2

Assuming the same conditions as in Example 16.1, design a low-pass filter for
the loop so that the loop time constant is approximately 10 periods at 10 MHz
and Q = 1/2.
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Solution

Recall that K,y = 0.1406 V/rad and K, = 6.28 X 10 rad/Vs. Assuming
Kip = 1, then we have, using (16.34),

Kpll = aprdKlpKosc = 2,972 S_]/z (16.39)

Since it is desired that the loop have a time constant of 100 periods, we

have
1 107 -
Wy = — = — = 1055 (16.40)
Ty 100
Using (16.32) gives
2
K KogK K
T, = {—p”] = P07 9% - (883 ms (16.41)
o, o
Thus, the pole of the low-pass filter is at a frequency given by
o, 1
fo=—=—=180Hz (16.42)
2 2mr,
Using (16.33) gives
fp 1
T, = ———— = 19.89 us (16.43)
P pll

which is almost twice as large as the time constant of the loop. Therefore, the
zero of the low-pass filter is at 8.0 kHz. Note that if the slightly less accurate
but simpler equation (16.36) had been used, we would have had T, = 20 us, an
insignificant difference. The low-pass filter can be realized by the circuit shown
in Fig. 16.5. This circuit has a transfer function given by

1+sR,C,

H = 16.44
ip(S) 1+s(R, +R,)C, (16.44)

VPdC % [ - Ovlp

Fig. 16.5 The low-pass filter of Example 16.2.
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j If we somewhat arbitrarily choose C, = 10 nF, we find

| 2

‘ R. = =~ =199 kQ (16.45)
C,

and
T
R, = C—"—Ft2 = 864 kQ (16.46)

I

As an aside, if there were no zero in the low-pass filter’s transfer function, using
(16.37) we would have

Q = J1,K, = 884 (16.47)

This is an extremely high Q factor, which would cause the loop to be very slow
when settling after a transient in either the input signal’s phase or frequency.
After the transient, the phase settling would be oscillatory, with an envelope
having a time constant given by [Desoer, 1969}

2
Tony = EQ = 0.156 s (16.48)

Q

which is 177 times greater than desired. This example points out the importance
of having a zero in the PLL’s low-pass filter.

Caplure Range

The preceding linearized analysis describes the loop’s dynamics accurately when it is
in lock. However, the process of attaining lock is highly nonlinear, and little useful
quantitative analysis has been developed to describe this process. Nonetheless, a qual-
itative description of what happens as the PLL is attaining lock is possible.

First, assume there is no input signal. The VCO would then oscillate at its free-
running frequency, since the phase detector’s output will, on average, be zero. Next,
assume that an input signal appears close to the free-running frequency. If the fre-
quency of the signal is close enough to the free-running frequency of the oscillator,
then eventually the loop will lock onto the input signal. The maximum difference be-
tween the input signal’s frequency and the oscillator’s free-running frequency where
lock can eventually be attained is defined as the capture range. This frequency is on
the order of the pole frequency of the low-pass filter.

Next, assume the input signal suddenly appears at a slightly different frequency
than the oscillator’s frequency. Then the input signal will slowly wander in and out of
phase with respect to the oscillator’s output. Let us assume the input frequency is
greater than the frequency of the oscillator’s output. When the signals are in phase,
the correlation between the two signals, and therefore the output of the low-pass filter,
will be positive and the oscillator will be driven toward lock. When the signals are out
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of phase, the correlation is negative and the oscillator’s frequency will be driven away
from lock. This phenomenon is called beating. The analog multiplier can be consid-
ered a demodulator. When the input signal’s frequency is different from the oscilla-
tor's frequency, the input signal is demodulated to a frequency different from, but
close to, dc. If this frequency is in the transition region of the low-pass filter, then
when the oscillator is being driven toward lock, the output of the low-pass filter will
increase in amplitude; whereas when the oscillator is being driven away from lock,
the output of the low-pass filter decreases in amplitude. Therefore, with each beat,
when the PLL is being driven toward lock, (which occurs when the two signals are
more in phase than out of phase), the larger amplitude of the low-pass filter’s output
drives the loop closer toward lock than the smaller amplitude (which occurs when the
signals are out of phase) drives the loop away from lock. Thus, during each beat, the
VCO increases in frequency more than it decreases in frequency, and the loop gets
closer to lock until eventually, after a number of beats, lock is attained.

Another reason for the VCO being driven toward lock, on the average, is that the
demodulated beat signal is distorted, because when it is being driven away from lock
it is at a higher instantaneous frequency than when it is being driven toward lock
[Gardner, 1979]. This causes the time during which it is being driven toward lock to
be larger than the amount of time it is being driven away from lock. The net effect is
to cause the loop to become closer to lock with each beat.

However, if the initial frequency difference is quite large, the demodulated signal
will not be in the transition region of the low-pass filter (assuming a zero is present).
As a result, the difference in the VCO positive- and negative-going excursions will be
zero or insignificant, and lock will not be attained; or only attained after an impracti-
cally long time.?

Analyses of the time required to attain lock are given in [Viterbi, 1966; Blan-
chard, 1976; and Gardner, 1979]. For the case where the initial difference between the
input signal’s frequency and the oscillator’s frequency is moderately large, Blanchard
showed that the acquisition time, ., is approximately given by

Q) - Wyee)”
tacqg = ———— - (16.49)
W,

Obviously, when a PLL is designed to have a narrow loop bandwidth, w,, the acquisi-
tion time can be quite large. In many applications this process, whereby lock is
attained, is too slow, especially when multipliers are used for the phase detectors. It is
therefore common to add circuitry that will detect when the frequencies of the input
signal and the VCO are different and drive the loop toward lock much more quickly
than would otherwise occur. Once lock is attained, this additional circuitry will then
detect that fact and no longer have an effect on the loop. This additional circuitry is

3. In [Blanchard, 1976; Gardner, 1979], it is stated that the capture range is theoretically infinite when the
low-pass filter has its pole at zero (as is the case for the charge pump PLL to be described shortly). How-
ever, even when there is no pole at zero, if the initial frequency difference is large, the acquisition time can
be so large as to make the PLL unusable. Also, it is possible that, due to circuit nonidealities such as offset
voltages, lock may never be attained.
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usually called a frequency detector. Alternatively, some PLLs have a low-pass filter
with a programmable pole frequency. During initial acquisition, the pole frequency is
relatively high in order to broaden the capture range and speed up the acquisition pro-
cess. Once lock is achieved, the pole is changed to a much lower frequency to
increase noise rejection. A third possible alternative is to sweep the VCO’s frequency
through its entire range during acquisition, with the PLL disabled, until it is detected
that the VCO’s frequency is close to that of the input signal, at which time the sweep-
ing circuitry is disabled and the PLL is enabled.

Lock Range

Once lock is attained, as long as the input signal’s frequency changes only slowly it
will remain in lock over a range that is much larger than the capture range. This range
is calculated as follows. From (16.5), the maximum output of the amplified low-pass
signal is given by

E, .E
Ventmax = KIpKMLZ‘E = Klprd (16.50)

Therefore, the maximum excursion of the VCO’s frequency away from its free-
running frequency is given by

mk:k = iKOSCKmK (16.51)

This result is valid when using a muitiplier for a’phase detector and assumes that the
lock range is limited by the phase-detector limit rather than some internal voltage
limits.

The PLL will track the input signal as long as the frequency of the input signal
does not exceed this range. However, one should be cautious because, if the loop is
locked to a frequency very different from the free-running frequency and a sudden
phase change occurs, it is possible that the loop could skip a beat and fall out of lock.
Once it has gotten out of lock, lock cannot be attained again until the input signal’s
frequency is changed to be within the capture range of the free-running frequency,
which is much smaller than the lock range. Also, when the PLL is near the edge of the
lock range, the gain of the phase detector has decreased substantially from its value
around the free-running frequency of the VCO and substantially changes the loop
dynamics. Specifically, from (16.32), ®, will be decreased, and therefore the loop
will be slower in responding. Also, from (16.35), Q will be larger, which may cause
the loop to be underdamped and therefore exhibit ringing when the input has tran-
sients. For these reasons, one often designs the loop so that the VCO frequency
changes only over half the lock range.

pd

EXAMPLE 16.3

What is the lock range for the PLL of Example 16.1?
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Solution
|; Recall that Kpq = 0.1406 V/rad and K, = 6.28 x 107 rad/Vs. Assuming
*‘ K, = I, then we have, using (16.51).
’ W = *2m x 1.41 MHz (16.52)
}
|
\

In other words, when the input is 1.41 MHz away from the free-running fre-
quency, the output of the phase detector is at a maximum {(or minimum). Any
further deviation from the free-running frequency causes the phase detector’s
% average output to decrease (or increase). which results in the PLL’s losing lock.

False Lock

Another phenomenon that may possibly occur when a multiplier is used for the phase
detector is that the loop locks to harmonics of the input signal. For example, the PLL
could lock to twice the frequency of the input signal, three times the frequency of the
input signal, or any other multiple. Alternatively, it could lock to a submultiple of the
frequency of the input signal (i.e., one-half, one-third, or other submultiple). This
false lock will occur whenever the free-running frequency of the VCO is closer to a
multiple or submultiple of the input signal's frequency than to its actual frequency.
False lock can onty be alleviated by somehow guaranteeing that the free-running fre-
quency of the oscillator is closer to the actual input frequency than it is to some multi-
ple or submultiple thereof. This requires a priors knowledge of the input signal and is
a limitation on how much the input signal’s frequency can vary. In the next section, a
PLL phase comparator that does not exhibit this false-lock phenomenon will be
described.

Exclusive-OR Phase Comparators

A PLL with an exclusive-OR phase comparator operates very similarly to a PLL with
an analog multiplier for a phase comparator. An exclusive-OR logic gate has an out-
put given by V4 = Vi, ® V.. where the amplitudes of the signals are determined
by the logic levels. Some typical waveforms are shown in Fig. 16.6. It is seen that

VOSC | | | |
Vie ® Vose L L L

Fig. 16.6 Typical waveforms when an exclusiveOR gate is used as a phase
comparator.
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when the waveforms are 90° out of phase, the output is a waveform at twice the fre-
quency of the input signal and has a 50 percent duty cycle. If all the waveforms are
symmetric about ¢ volts, then the output’s average value as extracted by the low-pass
filter would be zero. When the waveforms become more out of phase, the average
value of the output signal is positive; whereas when they become more in phase, the
average value of the output signal is negative. If the frequency of the input signal
increases, the input signal and the oscillator become more out of phase, which causes
the output of the low-pass filter to increase, thereby keeping the signals in lock. This
is very similar to how the analog multiplier functions. Similar to PLLs using analog
multipliers as phase comparators, PLLs having exclusive-OR gates as phase compara-
tors also exhibit false lock.

16.2 PLLS WITH CHARGE-PUMP PHASE COMPARATORS

One phase-comparator that is popular for integrated applications is called the charge-
pump phase-comparator, PLLs based on this phase comparator exhibit a number of
desirable features. First, they do not exhibit false lock. Second, the input-signal and
oscillator-output waveforms are exactly in phase when the system is in lock, even
when the input frequency is not the same as the free-running frequency of the oscilla-
tor. Finally, the PLL attains lock quickly, even when the input frequency is quite dif-
ferent from the free-running frequency of the oscillator {assuming that a specific
implementation of the sequential phase comparator is used). A charge-pump phase
comparator is shown in Fig. 16.7. This phase camparator either injects, subtracts, or
leaves alone the charge stored across a capacitor in the low-pass filter, depending on
the output of a sequential phase-detector circuit. When S, is closed, I, flows into

Ien
. Py
Vino-— Sequential [~ \ S,
phase ’ o QA
Py 5
Vosco—] detector L~ s, c
1
Icn -1
1
.
R -— &
1
R/———_/ W_L-__/
Charge-pump phase comparator Low-pass filter

Fig. 16.7 A charge-pump phase comparator.




664  Chapter 16 » Phaselocked Loops

the low-pass filter, increasing the control voltage into the VCO; when S, is closed,
I, flows out of the low-pass filter, decreasing the control voltage of the VCO. When
both switches are open, the top plate of C| is open circuited and the output voltage
remains constant in the steady state. The resistor, R, has been included to realize a
8 zero in the low-pass filter’s transfer function, similar to what was recommended when
an analog multiplier is used for a phase comparator. This allows the designer to con-
trol the damping of the loop’s transfer function separately from the time constant of
the loop. The capacitor C, is included to suppress glitches; it has little effect on loop
dynamics and will initiailly be ignored.

The sequential phase detector is a logic circuit that generates two outputs, P, and
P4, depending on its inputs, Vi, and Vysc. These are normally digital signals from the
PLL input and the VCO, respectively.4 Although there are many possibilities for the
sequential phase detector, the one we will consider is controlled by the leading edges
of Vi, and V. If V,, goes to 1 before V4, then P, will be 1 during the time that
the signals are different. This will inject some charge into the loop filter to speed up the
VCO. Similarly, if V.. goes to 1 before V,,,, then P, will be | during the time the
inputs are different, S, will be closed, and charge will be subtracted from the loop fil-
ter, which decreases the VCO frequency. When the leading edges are coincident, ide-
; ally both P, and P4 are always at 0, both S, and S, are always open, and the VCO
% input voltage is a constant dc vatue, For practical sequential phase detectors, both P,
! and Py may go high for a few gate delays when the input waveforms are coincident,
but this time is usually short enough that it has very little effect on the dc output of the
loop filter, and its effect is largely eliminated by the deglitching capacitor in the low-
pass filter, C,. The failing edges of both V,, and V.. have no effect on P, and Py,
which are both zero at this time. The waveforms when V,, leads V. are shown in
Fig. 16.8. Notice that P4 never goes high in this case. Notice also that P, only goes

2%

—>

Pg

Time
Fig. 16.8 Some typical waveforms of a charge-pump phase comparator.

4. This PLL is only used when the VCO output and the input are both digital signals or have been converted
to digital signals by a limiter.
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high at the leading edges but is insensitive to the falling edges. This makes the PLL
insensitive to the duty cycles of the waveform.

As we shall see shortly, the resistor R in the low-pass filter is required to realize
reasonable damping for the loop so that settling during transients is smooth, without
oscillations. Unfortunately, it does cause a voltage glitch in the low-pass filter of mag-
nitude IR when either S, or S, first turn on. Glitches occur because when the
switches first turn on, the capacitors initially function as small-signal short circuits
during the transients, and the change in the loop filter’s output voltage is simply given
by I.,R. This glitch is greatly minimized by the inclusion of capacitor C,. If C, is
taken around C,/ 10, then it usually has little effect on the loop dynamics, other than
to decrease the damping slightly (i.e., increase the Q factor). To compensate for this,
the loop is usually designed ignoring C,, but the damping factor is taken greater than
unity (or equivalently the Q factor is taken less than 1/2) by a small factor.

To understand the operation of a charge-pump PLL, consider the case when the
VCQ’s frequency is the same as the frequency of the input signal but their phases are
different. Also, assume the input signal is leading the output of the VCQ, as shown in
Fig. 16.8. At each leading edge of V,,, S, tumns on, which causes a current Ly, to
flow into the low-pass filter. This current flows until the leading edge of V4 goes
high. The additional charge that is stored on C is equal to the time that S, is on mul-
tiplied by I, which causes an increase in the voltage across C, equal to

AQg, IpAt

AV, C, C, (16.53)
This change increases the low-pass filter’s output voltage, which in turn increases the
frequency of the VCO. The VCO frequency increase causes the VCO’s output to
become more in phase with the input signal. Eventually they become locked in phase.
At this time, ideally neither S, or S, will turn on anymore, and the output voltage of
the low-pass filter, and therefore the control voltage of the PLL, will remain constant
from then on, assuming the characteristics of the input signal remain constant.

Small-Signal Analysis of a Charge-Pump PLL

To do a small-signal analysis of a charge-pump PLL, it is necessary to make the
assumption that the phase of the input and VCO signals change little in any given
period. Assume that the frequencies of both signals are the same but the input signal
leads the VCO output by a phase difference equal to Ad;,,, as shown in Fig. 16.8. Dur-
ing this time, Iy, flows into the low-pass filter, whereas during the rest of the period,
no charge will flow. Precise analysis of this system is difficult because it is time vari-
ant. Therefore, the analysis will be done on a different time-invariant system that has
the same average charge flowing into the low-pass filter. As long as the dynamics of
both systems change only slightly in a given period, the two systems are approxi-
mately equivalent. It might be mentioned that this type of approximation is also the
basis for analyzing many other systems, such as switching power-supply regulators.
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The average charge flowing into the low-pass filter for the charge-pump PLL is
given by
A,
Lag = 2—;‘10,1 (16.54)
So, we will analyze an approximately equivalent system that has a current I, flow-
ing into an impedance R+ 1/(8C,) (assuming C, is zero). We can then define a
phase comparator for the approximately equivalent system, where

Tavg = Koa(®in = Posc) = KoaAois (16.5%)
and
Koa = Len (16.56)
P 2

If we further define H,(s) to be given by

Vi,(s) 1 1 +sRC,

=R+—= —— (16.57)
Iavg(s) SCi SCl
we can substitute (16.55) and (16.57) into the general transfer function of a PLL,
namely (16.26). to find the transfer function of a charge-pump PLL. Repeating (16.26)
for clarity, we have

Hlp(s) =

Vi) _ sKpgHip(s) (16.58)
¢in(8) s+ Kdeoscl_np(s)

Note that K\, has been absorbed into H,,(8) here for simplicity. Substituting (16.57)
into (16.58) and rearranging gives

Vip(s) 1 s(1+sRC,)
Oin(S) T K s:C,

(16.59)

*°1+sRC, +
densc

Setting the coefficient of the §° term in the denominator of (16.59) equal 10 1/ (z)é

and solving for @, results in
KogK
m, = |2 ose (16.60)
C,

Setting the coefficient of the s term in the denominator of (16.59) equal to {1/ ®,Q)
and solving for Q gives

-+ - ! -l 2m (16.61)
HCl(’)o R l'CledKosc R C]ICI'IKOSC

When designing a charge-pump PLL one normally chooses I, based on practical
considerations such as power dissipation and speed. Also, ®w, is chosen so that the
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loop has the desired transient settling-time constant according to
1
0, = — (16.62)
Toil

Next, C, is chosen using (16.60) and R is chosen using (16.61). At this point, it is a
good idea to use a value for Q slightly less than what is eventually desired. This re-
duction accounts for the fact that when C, is eventually added to minimize glitches,
the Q factor will be enhanced somewhat. A rule of thumb might be to take Q, say, 20
percent smaller than eventually desired. The final step is to add C;. Another rule of
thumb here is to take C, around one-eighth to one-tenth the size of C,. The effect
this will have on the transfer function is to make it third order by introducing a real
pole at frequencies quite a bit higher than the resonant frequency of the loop. This
could be taken into account during the design phase by substituting

R 1

—_—— 16.63
1+sRC, sC, ( )

Hlp(s) =
into (16.58) and then solving for the poles. Since it is known that the additional pole
will be real and at a frequency substantially higher than the original resonant fre-
quency without C,, the third-order system can be approximated by a second-order
system. However, now the Q factor will be enhanced slightly by C, .which is easily
taken into account by taking R slightly larger than would be the case if C, were not
present. Normally. this extra complication is not merited, but the complete system
with C, should be simulated to ensure that the dynamics are not seriously degraded
by the inclusion of C,. The simulation of phase-locked loops is nontrivial and is the
topic discussed in Section 16.4

EXAMPLE 16.4

Let Koo = 2 x50 Mrad/V and I, = 10 pA. Assume that the free-running
frequency of the oscillator is 50 MHz and that it is desired that the loop have a
time constant of 100 cycles, or 2 us. Design the components of the low-pass fil-
ter shown in Fig. 16.7.

Solution

A time constant of 2 us corresponds to

1

W, = —— = 500 krad/s (16.64)
us
Now, using (16.56) and (16.60), we have
11
C, = —25&“KOSC = 21F (16.65)
0y <™
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Let G, = C,/10 = 2.5 pF and Q = 0.4. From (16.61), we have

1 2n
R=— {— = 31.4kQ (16.66)
Q CIIchKosc

Phase / Frequency Detector

There are many ways to realize a sequential phase detector. Perhaps the most common
sequential phase detector is the phase/frequency detector shown in Fig. 16,9, It is an
asynchronous sequential logic circuit, and its operation is moderately complicated to
follow. Although a detailed description of its operation will not be attempted here, a
few comments are in order. The cross-coupled NOR gates basically form RS flip-
flops. One of the top flip-flops will be set if either P, or P4 is 1. One of the bottom
flip-flops will be set whenever P, or P4 must be disabled. When the PLL is in lock,
this disabling occurs after the opposite signal has gone high. This disabling can also
occur when the PLL is not in lock, by detecting a frequency difference between the
input signal and the oscillator. The disabling flip-flops can only be reset when the
appropriate input signal has changed to 0. The four-input NOR gate is primarily used
to reset the top two flip-flops. This reset occurs when V;, and V. both become 1
when the loop is in lock. At this time, reset goes high, which resets the top two flip-
flops, causing both P, and P to go low. -

To better understand the operation of the phase comparator, assume the PLL is in
lock with V;, leading V.. Assume also that P, Py, P ge0 Pa.gepi and reset are all
low. In other words, all of the flip-flops are reset low. Furthermore, assume V,, and

F’u F,d
FFi FF2
v Reset y
o— / 4 —0
n Set1 Set2 osc
Py-dsbl ' Pa.dsbi
FF3 FF4
Set3 Set4

Fig. 16.9 A phase/frequency sequential phase detector based on NOR gates.
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V 4ec are both low, and then V,, goes high. The first thing that happens is FF1 gets set,
causing P, to go high. This causes the charge-pump to turn on and charge the low-
pass filter, ultimately increasing the frequency of the VCO. Next, when V.. goes to
1, FF2 is also set temporarily. Just after V.. goes high, reset goes high. This causes
P, and P4 to go low one gate delay later. Also, reset going high causes FF3 and FF4
to be set. Thus, P g and Py, g0 high two delays after reset goes high. These
signals cause reset to go low one delay later. More importantly, they guarantee that
FF1 and FF2 are kept in the reset mode, with both P, and Py low. It is only when
Vin goes back to O that FF3 is reset and P, 4, is turned off. Similarly, when V ¢
goes low, FF4 is reset and P44, goes low. We are now back in the original state,
with all FFs in the reset state. The operation is very similar if V. leads V.

Now consider what happens when the frequencies are very different. Assume
Vi is at a much higher frequency than V... Whenever a positive-going edge of V,,
occurs (which is quite often), P, goes high, which causes the VCO frequency to
increase. However, when V,, goes back to 0, P, is still high if the much lower-
frequency Vg has not changed. P, will stay high until both V,, and V. goto 1.
At this time, reset goes high and Py, and Py 4., both get set, causing both P
and Py to go low. The next time V,, goes to 0, FF1 is reset, which in turn resets
FF3, turning P, 4oy off. However, if V. is still at a much lower frequency, V4 is
still at 1 and FF4 has not been reset. This guarantees that reset cannot go high. Thus,
when V;, goes back to 1, FF1 is again set and remains set until V , eventually goes
low (resetting FF2 and FF4) and then goes back high. Thus, it can be seen that most
of the time P, is high, with P4 seldom high, causing V. to quickly increase in
frequency until lock is achieved. ' -

The various waveforms when V,, is at a much higher frequency than V. are
shown in Fig. 16.10. Note that most of the time P, is at 1. It can only shut off if both
P gso and Py ge are in their reset states. For this to be the case, however, both V,,

[ 1 1
| | |

Fig. 16.10 The waveforms of o phase/frequency detector when V, is at a much larger fre-
quency than V..
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(for P gep) and V. (for Py.qen ) must have been zero to reset FFs 3 and 4. Only
after this happens, and then only after V, and V. both go to 1, can reset go high,
turning off P,. Thus, this phase detector is very fast in acquiring lock. Also, it does
not exhibit false lock as do multiplier or exclusive-OR phase detectors. Its only disad-
vantages are that it isn’t suitable for nondigital or sinusoidal inputs and it can be
“fooled” by noisy digital inputs having false edges or glitches because it is sensitive to
positive-going edges of the input signal. If false edges are a possibility, one might put
the input signal into a buffer to go through hysteresis before going into the PLL.
Although this helps substantially, there will still be more jitter introduced than would
be the case with a PLL having an analog multiplier. which averages the continuous
waveforms rather than being sensitive to just the edges.

There are many other phase comparators that have been proposed for phase-
locked loops. For example, sample and holds and D flip-flops. The interested reader is
referred to [Buchwald, 1993; Meyr, 1990].

16.3 VOLTAGE-CONTROLLED OSCILLATORS

The first step in building a VCO, or voltage-controlled oscillator. is to realize an
oscillator and then add a means whereby its frequency of oscillation can be controlled
by an input voltage (although, in some cases the control signal could be a current).
Oscillators come in a variety of different types, but perhaps the two major classifica-
tions are those that directly create sinusoidal outputs as opposed to those with square
(or triangular) wave outputs. Sinusoidal-output oscillators are usually realized using
some kind of frequency-selective or tuned circuit in a feedback configuration,
whereas square-wave-output oscillators are usually realized using a nonlinear feed-
back circuit such as a relaxation oscillator or a ring counter. Sinusoidal oscillators
realized using tuned circuits can be further classified into RC circuits, switched-
capacitor circuits, LC circuits, and crystal oscillators. A table showing the classifica-
tion of oscillators is shown in Fig. 16.11.

The design of tuned oscillators usually involves placing a tuned circuit into a
feedback loop in which, at the oscillation frequency, the loop gain becomes positive
and exactly equal to unity. Most integrated oscillators based on tuned circuits have

Oscillators
I
Tuned osciliators Nonlinear oscillators
I ] [
RC SC LC Crystal Relaxation Ring
0SC. 0SC. 0SC. O0SC. 05C, 0sC.

Fig. 16.11 Classification of oscillators.
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been realized using either switched-capacitor circuits or integrated amplifiers with
off-chip crystals or LC circuits. A switched-capacitor VCO has already been |
described in Chapter 10, and a number of other SC oscillators are described in |
[Gregorian, 1986]. The reference [Sedra, 1991] contains a good discussion on design- |
ing a variety of tuned oscillators that use RC circuits, LC circuits, and crystals. Most
realizations of the first two types have been discrete circuits and were not integrated, !
although recently, integrated LC filters at frequencies of 1 GHz and up have been
realized [Nguyen, 1992). Another excellent reference on integrated oscillators,
although somewhat dated, is [Grebene, 1984].
There are a variety of different methods used in maintaining the lcop gain exactly
at unity in tuned oscillators. Most of these techniques also determine the amplitude of
the oscillator’s output signal. The easiest method is to make use of some nonlinear
element in the feedback loop. For small amplitude signals, the loop gain is greater
than unity. The amplitude of the oscillator increases until the nonlinearity causes the
effective loop gain to decrease to exactly unity. The simplest possible nonlinearity
might be the limiting of the amplifier in the oscillator when its output gets too large,
although for low distortion and a well-controlied amplitude, a more well-controlled
nonlinearity is required. The former method is usually used for crystal oscillators.
Other techniques might involve measuring the amplitude of the output signal, perhaps
using a peak detector, and adjusting the Q factor of the poles of the circuit to be infi-
nite when the amplitude is correct. When the amplitude is too large, the Q factor is
changed to be large but positive, whereas when the amplitude is too small, the Q fac-
tor is adjusted to be large but negative. The first case corresponds to poles right on the
jo axis, the second case corresponds to poles clos® to the axis but in the left half-
plane, whereas the last case corresponds to right-half-plane poles. In these cases, the |
oscillator’s output amplitude remains constant, decreases, or grows, respectively. The
amplitude-control loop can often be almost as complicated as a complete PLL. After
this very cursory introduction to tuned amplifiers, they will be covered no further, as
they are deemed to be out of the range of the subject matter of this book because very
few of them have been integrated. Rather, a few examples of nonlinear digital-output
VCOs will be described.

Bipolar Emitter-Coupled Multivibrator

One of the most popular configurations for a bipolar VCO has been the emitter-coupled
multivibrator [Grebene, 1984]. This emitter-coupled oscillator is a form of a relaxation
oscillator and is shown in Fig. 16.12. In this oscillator, @, and Q, alternately turn on
and off. When one of these transistors is off, the node at its emitter slowly changes to
a more negative voltage due to the current flowing from the current source, I, con-
nected to the emitter out of the capacitor, C ., which is also connected to the emitter.
The node voltages for the case when Q is cut off are shown in Fig. 16.13. During this
time, the current through Q, is 21,. The voltage at the collector of Q, will be one diode
drop below the positive power-supply voltage. which is assumed to be 5 V. Here, we
have assumed
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Vcntl O
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Fig. 16.12  An emittercoupled relaxation oscillator.
VCC =5V

Ry Ra D»

5V 43V, Qq

Vosca 43V

36V © Voso
g I
Y Q.
»>2.9V.
* [}

N 36V -

Fig. 16.13 The various voliages and currents of the oscillator in Fig. 16.12
when V..o is high.

2I,R,>Vp = 07V (16.67)

where V, is the voltage drop of a conducting p-n junction. The voltage at the collec-
tor of Q, is approximately 5 V because Q, is off. Transistors Q, and Q, both oper-
ate as emitter-follower buffers and, thus, both have approximately 0.7 V base-emitter
voltage drops. As a result, the right side of the capacitor C,g is at 3.6 V and the left-
side is at some voltage between 2.9 V and 4.3 V. This left-side voltage is changing
in the negative-going direction with a rate of change given by

686 of 720




16.3 VoltageControlled Oscillators 673

dVe, I
- = (16.68)
dt Cose
Its total voltage change will be from 3.6 V t0 29V or 2V = 1.4 V. The time it
takes for this voltage drop to occur is equal to one-half the period of oscillation and is
_ given by
i T _ 2\”[)Cosc

- = 16.69
| 2 I ( )

After the emitter voltage reaches 2.9 V, Q, begins to conduct. The conduction of Q,
causes its collector voltage to decrease from approximately V¢, which in turn causes
Q, to conduct less. A reduction in the conduction of Q, causes the collector voltage
of @, to increase, thereby turning Q; on more quickly. It is therefore seen that during
the transition the circuit is in a positive-feedback loop, which causes it to change state
very quickly. Thus, during the transition, Q, goes quickly from off to on, and Q,
goes from on to off. When Q, turns off, its collector voltage goes to Vee =5V,
which, in turn, causes the left side of C_q to quickly change from 2.9 V (its voltage
when the transition began) to 3.6 V (its voltage after the change has taken place), via
Q, and Q,. The right side of Ce must have the same voltage change, and it there-
fore changes from its 3.6-V initial voltage to 4.3 V. Since Q, is now turned off, the
right side of C is now discharged with a current equal to 1,, whereas the left side of
Cosc is now held fixed at 3.6 V via Q, and Q,. This process repeats itself indefi-
nitely, resulting in the waveforms shown in Fig. 16.14. Thus, making use of (16.68),
we have -

43V
Vosca 3.6V

4.3 VT

Vg,  36V|--
29V

43 \Jrﬂ
Vez 36V
29V

Fig. 16.14 The waveforms of the oscillator in Fig. 16.12.
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I

fooe = ————m
o 4’VDCosc

To control the oscillator frequency, the current sources used to discharge C_.. (i.e.,
those labelled as I,) are made proportional to a control voltage. Although methods for
implementing linear voltage-controlled current sources were described extensively in
Chapter 15 with respect to continuous-time filters, a simple example for making some
reasonably linear, voltage-controlled current sources is shown in Fig. 16.15. This cir-
cuit uses emitter degeneration to obtain output currents at the collectors of Q, and Q,
where

(16.70)

Vo=V
Iey = Ig, = i“-R—'E‘+I, (16.71)

Combining equations (16.70) and (16.71), we have
_ Vcnﬂ - Vref

fose = mnf, (16.72)
where
f = b (16.73)
VoCosc
Therefore,

1 -
Koge = ——

These equations are all based on the assumption that the impedance looking into the
emitters of the transistors is much less than R . When this is not the case, the linearity
can be greatly improved by using techniques similar to those described in Section
15.2 on bipolar transconductors.

It should be noted that this oscillator can be strongly temperature dependent due
to the temperature dependence of V—the voltage drop across a forward-biased

Q
A4
% :

Fig. 16.15 A simple circuit for realizing approximately linear,
voltagecontrolled current sources.

{(16.74)

Q4
21,

Qq Q,
Vref
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diode. This temperature dependence can be greatly minimized by making all currents
proportional to absolute temperature. The reader is referred to [Grebene, 1984] for
details. Another source of error for this VCO is that as the currents I, of Fig. 16.12
become smaller, the base-emitter voltage drops of @, and Q, also decrease. These
Vi decreases cause the voltage changes across the capacitor Cq to also become
smaller. This source of nonlinearity can also be improved by circuit-design changes,
but this topic is beyond the scope of this text.

Ring Oscillators

One of the most popular ways of realizing digital-output MOS VCOs is to use a ring
oscillator and add voltage control to it. A ring oscillator is realized by placing an odd
number of open-loop inverting amplifiers in a feedback loop. The simplest type of
amplifier that can be used is a simple digital inverter, as shown in Fig. 16.16. This cir-
cuit is a form of negative feedback, but since each inverter has approximately 90°
phase shift at its unity-gain frequency (assuming that all the loads on the inverters are
matched and that there are at least three inverters in the loop) it is guaranteed that the
loop gain will still be greater than unity when the phase shift around the loop becomes
greater than 180°. As a result, the circuit is unstable and oscillations occur. Each
half-period, the signal will propagate around the loop with an inversion. For example,
assume the output of the first inverter changes to 1. This change will propagate
through all five inverters in a time of T/2, at which time the output of the first
inverter will change to 0; after an additional time of-T/2, the first inverter’s output
will change back to 1, and so on. Assuming each inverter has a delay of 1;,, and that
there are n inverters, we then have

g = N7y (16.75)

Thus,

I
T 2nt,,

fose = (16.760)
By making the delay of the inverters voltage controlled, the ring oscillator’s fre-
quency can be made voltage controlled.

It is very important that in CMOS technology, ordinary CMOS inverters not be
used. This avoidance is because ordinary CMOS inverters have a gate-threshold volt-
age proportional to the power-supply voltage. Thus, when the power supply increases

B B e Py Do

Fig. 16.16 A ring oscillator realized using five digital inverters.
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in voltage, the voltage excursions increase in voltage proportionally, the currents of
the inverters increase in proportion to the square of the power-supply voltages, and the
frequency of oscillation increases proportionally to the power-supply voltage. Thus,
any noise on the power-supply voltage will cause the oscillation frequency to have jit-
ter. This poor power-supply rejection is perhaps the major source of jitter in integrated
oscillators. In integrated oscillators, it is extremely important that the frequency of
i oscillation be independent of the power-supply voltage if low jitter is required.

» In most integrated ring oscillators, fully differential inverters are used to obtain
| better power-supply insensitivity. When this is done, an even number of inverters can
| be used and the inversion required around the loop can be achieved by simply inter-
'E changing the outputs of the last inverter before feeding them back to the input, as
] shown in Fig. 16.17. This realization has a very important advantage in that the out-
I puts of the middle inverters will have a quadrature phase relationship as compared
! with the last inverters (assuming all inverters and their loads are carefully matched)
i [Buchwald, 1991]. These quadrature outputs are very useful in many communication
applications such as quadrature modulators and some clock-extraction circuits,

An example of realizing a fully differential inverter with a programmable delay is
shown in Fig. 16.18, where the current-source loads are made voltage programmable.
| Cascode transistors, Q; and Q,. have been added to increase the output impedance of
the programmable current sources to make them more insensitive to power-supply
noise. Assuming the current-source loads are proportional to V., with a constant of

i pIusel
_ _ _ VYout
|~ =910

Vot (quadrature)

o
+

Fig. 16.17 Realizing a ring oscillator using fully differential inverters for
improved power-supply rejection.

Ig Ig

Qg Qy

- +
VOU‘ VOUI

+ P
Vin™ [ O QzfFovin Fig. 16.18 A fully differential

= = inverter with a programmable delay.
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proportionality of Ky, we have
g = KpasVen (16.77)

The delay of each inverter is proportional to the unity-gain frequency of that inverter.
In other words,

oot (16.78)

where C_ is the load capacitance of the inverter and g, is the transconductance of
the drive transistors of the inverter. Since @y, == JE, we know that the delay is pro-
portional to 1/ ,\/I_B o 1/ m and therefore. foo. o< /Vcny. Thus, the relationship
between the oscillation frequency and the control voltage is not very linear, but in
many VCOs, this nonlinearity is not a problem. The major reason for nonlinearity is
that at higher frequencies, the voltage changes at the outputs of each stage increase in
amplitude because Ig increases. If the amplitudes of the voltage changes could be sta-
bilized. the linearity would be greatly improved, as will be shown shortly.

The circuit shown in Fig. 16,19 can be used to realize the voltage-controlled cur-
rent sources. The high gain of the opamp guarantees that its differential input voltage
is very small, and, therefore, the voltage across the resistor R is very closely equal to
V- Thus, the current through R is Iy = Vy/R. This current is mirrored by the
wide-swing current mirrors consisting of Qg and Q, on the input side, and Q5 and
Qs for one output current source and Q, and Qg for the second output current
source. The operation of the wide-swing current mirrors was described in Chapter 6,
and will not be repeated here. In noncritical applications, it may be possible to use
simpler current mirrors.

It is possible to realize a ring-oscillator VCO with good voltage-to-frequency lin-
earity if one ensures that the voltage changes of the delay elements are independent of

[ I
_!J¢ | l
lj Qs 1 Qg
JI il
Q

Qg
l
Qg !
Vbias O-I !
3 Qy
Ve a +—> To other
7 : —  oscillators
v - Venti
' "R Qy
Ri
= R

E_oz

I First inverter of

Control circuitry ring oscillator

Fig. 16.19 A circuit that can be used to realize the voltage controlled current sources
required in Fig. 16.18.
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Fig. 16.20 A differential delay cell having resistive loads consisting of n-channel
transistors.

the oscillation frequency [Kim, 1990; Young, 1992; Reynolds, 1994]. An alternative
design for a differential delay stage where this linearization has been realized is
shown in Fig. 16.20 [Young, 1992], along with the biasing circuitry that is used to
control the voltage swings. Each stage consists of a differential amplifier with
p-channel input resistors and resistive loads. The resistive loads are realized using
n-channel transistors biased in the triode regior: Their resistance is adjusted by the
bias circuit so that when all of I, is flowing through them, they will have V, across
them, where V4 is obtained from a temperature-independent voitage reference. This
is achieved by using a replica of the delay cell in the bias circuit. The replica consists
of Q;, Qy, R;, and R,. In the replica, all of I, flows through Q; and R, so Q, and
R, could have been eliminated from the circuit—they have been included in the fig-
ure for clarity only. Recalling that R, is actually realized by an n-channel transistor,
it is seen that the negative feedback loop including the opamp will cause the voltage
across R; to be equal to V,, when I, is going through it. Since the output of the
opamp is also used to control the resistance of all the triode-region resistances used
for the delay cells of the ring oscillator, they will also have V  across them when I,
flows through them. Next, if the VCO frequency changes because of a change in
Venn» and therefore in Iy, the bias loop will change the resistance of the delay-stage
loads so the maximum voltages across them will still equal V . Assuming the capac-
itive loads of each stage are constant (a good assumption), the delay of each stage
will be inversely proportional to 1. This makes the frequency of oscillation propor-
tional to I,,.

In an interesting modification of the ring oscillator of Fig. 16.17, two multipliers
have been added in Fig. 16.21. This modification achieves a doubling in the output fre-
quency while still realizing two quadrature outputs [Buchwald, 92]. Indeed, if quadra-
ture outputs are not required, it is possible to connect the two multiplier outputs to an
additional third multiplier. This achieves another doubling of frequency, but there is
now only a single output. Another interesting variation of a ring oscillator is described
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Fig. 16.21 Modifying the ring oscillator of Fig. 16.17 to achieve «
doubling of frequency.

in [Razavi, 1994], where the outputs of a three-stage oscillator are combined in a novel
manner to obtain a single output with a period equal to only two inverter delays.

CMOS Relaxation Oscillators

Another popular method for realizing digital-output VCOs in CMOS technology is a
CMOS relaxation oscillator [Wakayama, 1989; Sun, 1987]. A typical example is
shown in Fig. 16.22. In this oscillator, alternatively, C, and then C, are discharged
by the voltage-controlled wide-swing cascode current-mirror consisting of Qs to Qg,
R, and the opamp. Due to the negative feedback around the opamp, the current
through Q, and Qj is equal to V ;7 R. Assume the S-R latch is in its reset state as
shown in Fig. 16.22 (the S-R latch is simply two cross-coupled NOR gates). This
state will cause Q, and Q, to be on and Q, and Q; to be off. Since Q, is on, the volt-
age across C, is clamped at Vp. However, the voltage across C, will change in a
negative-going direction because the current from the voltage-to-current converter is
flowing through Q. This voltage, which started at Vpp, reaches the trip point of the
comparator (i.e., V o) after one-half of a clock period. At this time, the output of the
comparator goes positive, which causes the S—R latch to become set. This set state
causes Q, and Q, to turn on and Q, and Q, to turn off. When Q; turns on, the volt-
age across C, is very quickly charged back up to Vp. This increased voltage causes
the output of the corresponding comparator to go to low (i.e., logic 0), so that both
inputs to the S—R latch are again zero. At the same time, since Q, turns on, C, begins
to discharge until its voltage reaches V . This completes one period of oscillation.
After the voltage across C, reaches V g, the S-R latch is reset, C, is quickly charged
up to Vg, and C, begins to discharge again. The reason for including the compara-
tors, as opposed to connecting C, and C, directly to the S-R latch, is to make the
voltage changes across the capacitors less sensitive to power-supply noise. This is
also the major reason for making the current source consisting of Q; and Q, a cas-
code current source.
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Fig. 16.22 A CMOS relaxation oscillator. -

16.4 COMPUTER SIMULATION OF PLLS

Simulating the operation of PLLs is nontrivial because of the very wide range of time
constants present in PLLs. Specifically, the voltage-controlled oscillator typically has
nodes with important time constants much smaller than the period of its output wave-
form, whereas the time constants of the low-pass filter are orders of magnitude greater
than the VCO’s period. If SPICE is used for the simulation, the time steps must be
less than the smallest time constant of the VCO, whereas the total simulation time
must be greater than the largest time constant of the low-pass filter. This would take
an exorbitant amount of time for simulation and is usually impractical. What normally
is done is to have SPICE simulate the individual components over a few periods of the
VCO’s output wavetorm. The complete system is simulated based on simplified mod-
els in which the continuous-time components are replaced by approximately equtva-
lent difference-equation models. This approach can be done by using ditference-
equation simulators, such as the Simulink program in Matlab [Simulink, 1992] or by
writing custom difference-equation simulations using a computer language such as C.
The former approach has the advantage that it doesn’t require much expertise. The lat-
ter approach has the advantages that it runs much faster and can more easily be modi-
fied by the designer to include additional second-order effects for greater accuracy. It
turns out that writing a difference-equation simulation is not too difficult and that the
total amount of code that needs to be written is small.
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The approach taken here is generally applicable to the simulation of many other
analog systems as well. For example, it is the same approach typically used to simu-
late oversampling A/D converters. Thus, this section is useful for general analog IC
design. However, for designers willing to use a commercial simulator such as Sim-
ulink, this section can be safely ignored.

The difference-equation simulation of PLLs will be explained by using a charge-
pump PLIL. as an example. Other types of PLLs can be simulated by making fairly
trivial changes to the example, most of them required to describe the operation of dif-
ferent phase detectors.

Describing Continuous-Time Components Using Difference Equations

When doing a simulation, a fixed time step, T, is chosen that might be between one-
tenth and one-hundredth of the period of the VCO’s output waveform. Ideally, during
this fixed time step, all voltage and current changes are small, In the simulation, the
voltage—current relationships of all continuous-time elements such as capacitors and
resistors are described by approximately equivalent difference equations. In fact, it is
not the voltage—current relationships that are usually approximated; rather, it is the
voltage—charge relationships. As long as the currents don’t change too much during
the simulation time step, the current is simply given by the change in charge divided
by the time step. The reason for approximating the voltage—charge relationships
rather than the voltage—current relationships is that it is often casier to calculate total
charge changes during a simulation time step than the average currents. For example,
discrete-time analog circuits, such as switched-capacitor circuits, are much easier to
analyze using voltage—charge relationships than by using voltage—current relation-
ships. Thus, a single formulation can be used for both continuous-time and discrete-
time circuits, and even for simulating systems containing both types of circuits.

To see how to transform the continuous-time voltage—current relationships of a
component to the discrete-time simulation domain, consider an arbitrary component
having a voltage—current relationship described in the frequency domain by imped-
ance Z(8). Since charge is the integral of current, the relationship between the imped-
ance’s charge and current in the frequency domain is given by

Q(s) = E(S—S) (16.79)

Thus, we can define the voltage—charge transfer function, M(s), as

_ sy _
M(s) = A sZ(s) (16.80)

To approximate this relationship in the discrete-time domain, one must replace
$ with a polynomial of z (the discrete-time variable) in such a way that all relation-
ships are approximately equivalent when T << 1 and, therefore, z = ei®T =
1 +joT. One possible means of maintaining this approximation is to use the bilinear
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z-transform®, where every occurrence of S is replaced by the function

_z-1
21-z (16.81)
Tl +2z!
For @T << 1, we have
o1 1—(1 —ioT 2 joT ,
21-27 _ 21-(i-jeT) 2 jo jo=s (16.82)

T+ - Ti+(-joT)  T2-joT

as desired. Furthermore, the bilinear transform has the desirable features that stable
functions remain stable and that the discrete-time transfer functions are simply
frequency-warped versions of the continuous-time transfer functions in which higher
frequencies are compressed. The discretization process therefore consists of taking
M(s) = sz(s) and replacing each occurrence of $ according to (16.82) to obtain
M(z), where

V(z)

M(z) = — = SZ(S)|

16.83
Q) ( )

1_z
I+2z

-t

During each simulation time step, one normally calculates the charge going into or
out of the component. Thus, we are actually interested in the relationship between
changes in charge rather than the total charge stored in a compenent. Noting that
the change in charge is equal to the previous charge value subtracted from the present
charge, we can write

AQ(z) = (1 -2 HQ(z) (16.84)
Now, defining the voltage-to-charge-difference transfer function to be P(z), we have

P2y - V@) _ M@)

= 3@ —— (16.85)

The equivalent time-domain difference equation can be found by taking the inverse
2-transform of (16.85). This difference equation allows the voltage across the compo-
nent at time NT to be calculated from previous voltages across the component (i.e., at
times NT —T, nT-2T, nT - 3T, etc.) and the change in charge into the component
at time NT (and, possibly, previous times).

When it is easier to calculate the currents than charge changes, the charge going
into the component during one period is easily approximated by averaging the current
at the beginning of the period with the current at the end of the period and then multi-
plying by T. Specifically, we can use the time-domain relationship

(16.86)

Aq(nT) = T[.(nT) + i(nT—T)}

2

3. The bilinear z-transform and the discrete z-transform. which is commonly abbreviated as the
z-transform. are different.
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This approach is general enough to handle mixed continuous-time systems
and discrete-time systems such as those composed of switched-capacitor filters
and continuous-time components. To make equations simpler, from here on, the
variable T will be dropped from the time index. That is, i(nT) will be called i(n)
and the difference between sampling times of T will not be given explicitly.

We are now ready to apply this simulation procedure to a charge-pump PLL. The
system being simulated is shown in simplified form in Fig. 16.23. We will first derive
a difference-equation model for a VCO and then derive the difference-equation model
for the loop filter.

Difference-Equation Modelling of a VCO

The difference-equation modelling of the VCO is based on the circuit shown in
Fig. 16.24. This model is a simplified model of a relaxation oscillator. It can approxi-
mately model most VCOs where the output is a digital signal.

The model operates as follows. First assume Vg = Vi, where Vy,, is the
input voltage to the VCO when its output frequency is equal to its free-running fre-
quency. Up to this point, we have assumed that Vy,, = 0. but we will now be more
general to allow for the simulation of PLLs that have only a single power-supply
voltage. Since Vg = Vi, the current source GoeeV, = GoselVent — Ying) 18 Zero.
Next, assume the capacitor C,, is initially discharged. It will be slowly charged by
current source I, with the voltage v, increasing by an amount given by Av, =
Alcose” Cose = (losc T)7/ Cose €ach analysis timestep. Once the voltage across Cogp
exceeds Vy,,, then the output of the comparator, which was initially 0 will go high.
This causes the output of the one-shot to go high for one analysis period, which has
two effects. It first of all causes the output of the toggle flip-flop {which is the output

v ol T
Phase -
comparator Py l _L veo
Gy
Vosc - Sz
| Ca I R

Fig. 16.23 The charge-pump PLL used as an example to illustrate how te simulate
PLLs.
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of the VCOQ, that is, v ) to change its state. It also causes the switch S, to come
on. This quickly discharges C . to zero, which in turn causes the output of the com-
parator to go back to 0. This process repeats itself every half-period, T,./2. The
number of analysis time steps, n, required for C . to charge from 0to Vy,, is given

by
Vi C
n= 2% (16.87)
IOSCT
Since
T
¢ =nT (16.88)
2
we have, after substituting (16.87) into (16.88),
e = (16.89)
Q5C
and, therefore, the free-running frequency of the VCO, f, is given by
I
fy = 1 = (16.90)

Tosc - 2Vthzcosc

Nezxt, consider a case when the control voltage to the VCO is not equal to the bias
voltage Vy,,. When v, is a nonvarying value, the oscillation frequency is given by
Tose + Gosc(Very — ViR1)

fose = 16.91
% ZVN'IZ COSC ( )

By taking first-order derivatives of both sides of (16.91), we have

dfosc . 2Ttgosc:
chnti 2Vth2 Cosc

Koee = 270 (16.92)

Tosc Comparator |
Vo }
*+ +
Ventl J_ l -
' vy Sosc Vinz
Vint YoscVs Cosc I _|:K
Vosce O0— Q T One-
shot

Toggle flip-flop
Fig. 16.24 The model used for the VCO.
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The difference equations describing the system will be derived for the case where
Vny can change with time using the difference-equation modelling presented above.
Although this VCO is such a simple system that this formalism is unnecessary, the
formal approach will still be used so that a simple example can be presented.

The capacitor, C_.. has an impedance given by

Z(s) = (16.93)

SCDSC
Using (16.80), we have

M(s) = sz(8) = (16.94)

1
CDSC
Since this is not a function of & but a constant, transforming it to the discrete-time
domain is trivial. We have

M(z) = —— (16.95)

Next, using (16.85), we have
V,(2) 1/Cose

P(z) = - 16.96
@) = Mo~ 1=z 1650

which implies

AQ z
Vy(2)(1-2) = A00s0(2) (16.97)
Case
Taking the inverse Z-transform, we have
A n
v,o(n) = vz(n"1)+M (16.98)
CGSC
Now, since
AQCoe,c(n) = TICosc-avg (16.99)
and since

(16.100)

V(M) + V(N —1)
ICossc‘avg = Iosc+ gosc[ = Zcm 7Vthl

we have, using {16.98),

—1
Vz(n)=vz(n;1)+CL{IOSC+QUSC[VI(H)+VI(n )fva (16.101)

osc 2

This is the basic difference equation that will be calculated once each analysis time
step. After each updating of v,(n), its value is then compared with Vino, and if it is
larger than 0, then v,(n) is reset to zero and the logic valuc of Vg is changed. The
system can be initialized at time zero by setting v y(0) = Vy, and v,(0) = 0.
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Any nonlinearities between the VCO’s control voltage and its frequency can be
added to the model by making g, a function of v,. This nonlinear modelling is most
easily done by using a table lookup, whose entries are obtained from doing a number
of simulations of the complete VCO at the transistor level using SPICE.

Difference-Equation Simulation of a Loop Filter

The loop-filter simulation is somewhat more complicated. Part of this complication
comes from a need to maintain high numerical accuracy. The impedance of the loop
filter is given by

1 1
Z,(8) = —+ 16.102
»(8) sC, sC,+G ( )
where G = 1/R. Using (16.80), we have
Vip(s) G +s8(C,+Cy) (16.103)

Q,(s) ~ GG, +sC,C,

Next, each term of § is replaced using the bilinear Z-transform according to (16.81).
After this transform, we have

Vip(2) _ 201 -z 1Y (C, +C)+ GT(1 +z°1)

M(z) = = (16.104)
Qp(2) 2C,C,(1 -z +C,GT(1+z1)
Using (16.85} and rearranging gives )
GT+2(C,+C HGT-2(C,+C
P(Z) = M(Z) = + ( ]+ 2)+Z [ ( 1+ 2)] (16,105)
1-z'  2C,C,+GC,T-2z'4C,C, +z%3(2C,C,-GC,T)
which can be rewritten as
V(2 m, +m,z-!
P = A(I)p((z)) T 1+z '(k] 2) 2z 2(1 - K)
+z2 M {k-2)+ 241 -
° (16.106)
B 1 m, + m,z-}
- (1~24l 1—z-1+kz-1)
where
2GC T
k = (16.107)
D
2(C,+C,)+GT
m, = {16.108)
D
-2(C,+C+GT
m, = 5 (16.109)
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and
D =2C,C,+GCT (16.110)

This transfer function can be simulated by a discrete-time system that has the signal-
flow graph shown in Fig. 16.25. This network is a “lossless-digital-integrator” (LDI)
(Kingsbury, 1973} realization of the transfer function (16.106). This type of realiza-
tion has very good numerical properties when the poles of the low-pass filter being
simulated are at frequencies much less than the inverse of the analysis time step
(which is certainly the case when simulating PLLs). A direct-form implementation
would have quite poor numerical properties in this situation.

It is now possible to give the difference-equation updates for the low-pass filter,
which are performed once each analysis time step based on the signal-flow graph of
Fig. 16.25. Each simulation time step, do the following:

1. If P, is 1, then take AQu(n) = Tl Or if Py is 1, then take Aq,(N) =
-TIp. Otherwise, take Aqy,(n) = 0.

2. Update the difference equations for simulating the low-pass filter according
to the following:

Xi(n) = AQp(n)+Xx,(n-1) (16.111)
X,(n) = x,(N)+%(n-1)-kx,(n-1) (16.112)
Vip{n) = m;X,(n) + myx,(n—1) (16.113)

Notice that (16.113) is a function of X,(n - 1). This means that if a single variable is
used to store X,, its value must be temporarily stared, since X, is updated in (16.112)
before (16.113).

There is one other complication. If it is desired at initialization that the low-pass
filter have an initial output other than zero, as would be needed in simulations of PLLs
realized using a single power-supply voltage, then the internal state variables of the
difference-equation simulation should be initialized according to the following equa-
tions:

0

X,(0) = Vip(0) (16.114)
m, + m,
X,(0) = kx,(0) (16.115)
my
X5(2) p—
X1(Z) mo
+ —(+) »—{>——4 Vipl@)

—k

Fig. 16.25 The signalflow graph of the difference equations used to simulate the PLL's low-pass

filter.
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Phase/Frequency Comparator Simulation

The phase/frequency comparator was described previously. Based on this description,
the following formal definition specifies how its state variables. P, Py, P g, and
P 4.asp should be updated each analysis time-step.

1. IfV,,island P4y, is O.thenset P, to 1.

2. If Ve is Iand Py, is 0. thenset Py to 1.

3, If Vi, and V, are both | and P4 and Pgyge, are both 0, then set reset
to 1; otherwise set it to 0.

4. If reset is 1, then set P o and Pyasp to 1 and set P, Py, and reset to 0.
If V;, and P, are both 0, then set P, 4, to 0.
6. If V.. and Py are both 0, then set Py, to 0.

o

Complete Simulation

The simulation of the complete PLL is now accomplished by updating the difference
equations for each biock once each analysis time step. A C-program realization of this
simulation is given in the appendix of this chapter. It should be relatively easy to mod-
ify this simulation so that it can also be used to simulate other PLLs as well.

EXAMPLE 16.5 B

Let Ion = 10 UA, I = 05 mA, Vy,, = Vi, = 2.5 V. and f;, = 50 MHz.
Also, assume that K o, = 2m- 25 MHz - V-1 = 1.57x10° rad - V-1,

Solution
First, using (16.90), we have

I
C _ 96 _ 9 oF 16.116
0sC 2ffer2 p ( )
Next, using (16.92), we have
2V1-C e K
Josc = %m = 0.25 ms (16.117)

The values of the components of the low-pass filter were already found in
Example 16.5. They are C, = 253 pF, C, = 25 pF, and R = 31.4 k€.
These are the values used in the C-code simulation of this PLL given in the
appendix of this chapter. The simulation was started with the VCO having a fre-
quency of zero. It took 28.6 us to obtain lock. Next, after 5 us, the phase of the
input signal was given a step change of 180°. It took the PLL 0.8 ps to settle to
this new phase. In both cases. the transient responses were well behaved.
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16.5 APPENDIX

The source code for a C-program simulation of a charge-pump PLL having a phase/
frequency converter follows. Readers who wish to obtain this source code using ftp
via internet should send e-mail to martin@eecg.toronto.edu for instructions.

/*  This is a difference-equation simulation of a charge pump PLL having a

phase/frequency comparator. v1n is the ouiput of the low-pass filter, which is
the input to the VCO. '

v2n is the internal voltage of the VCO across its capacitor. x1n and x2n are
the internal state variables of the low-pass filter simulation. pu, pd, pu_d, and
pd_d are the internal state variables of the charge pump. delt_q is the charge
change of the low-pass filter. The simulation is for 500,000 analysis time steps,
and then has a step change in phase of the input voltage. Currently the input fre-
quency is 50 MHz.

*/

#define IN_FREQ = 50¢6 // The input frequency is 50 MHz

#define P1 3.141592654

#define VTH1 2.5 // the VCO input voltage to obtain the free-running frequency
#define VTH2 2.5 // the trip-point for the VCO relaxation oscillator
#define ICH le-5 // the charge-pump current 1% 10 pA

#define IOSC 5e-4 // the dc current in the VCO is 0.5 mA

#define GOSC 2.5e-4 // the transconductance of the VCO

#define C1 25e-12 // the large capacitor in the loop filter

#define C2 2.5e-12 // the deglitching capacitor in the loop filter
#define C3 2¢-12 // the capacitor used in the VCO simulation
#define G 3.18e-5 // the transconductance of the loop filter, R=31.4 k
#define T le-11 // An analysis step is 10 ps

#define NSTEPS 1e7 // Analyze for 1 msec (i.e., 10 million steps)

#include <stdio.h>
#include <math.h>
main()
{

double Dk,ml,m2,vIinvin_1,vZn,v2n_l xInx1n_1.x2n,x2n_1,delt_-
q.i_avg;

double in_freq,in_per,half_per,time per_tim,osc_freq;

int 1,j,inp_val,osc_val,pu,pu_d,pd,pd_d,rst;
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// Initialize all variables

D =2*C1*C2 + CI1*G*T,;

k = 2*CI1*G*T/D;

ml = (2% C1+C2) + G*TVD,

m2 = (-2¥(C1+C2) + G*T)/D;

vin=vln_1=VTHI - 2.4, // The VCO is initialized less than 50 MHz
v2n=v2n_1=0.0;

x2n=x2n_] = vln/(ml+m2);

xln=xIn_1 =k*x2n;

inp_val = osc_val = 0;
pu=pu_d=pd=pd_d=rst=0;
in_freq = 50e6;

in_per = 1/in_freq;

half_per = in_per/2.0;
i=0

// Start the simulation -

for (i=0; 1 < NSTEPS; i++)
{
time = T * {double) (i);

/1 The first set of statements is to produce the input square wave

per_tim = time - in_per*(double)j;
if (per_tim >= half_per) // change value of input signal
{
inp_val = (inp_val == )? 1.0,
j++
if (%4 ==0)
{
osc_freq = i_avg/(2.0*C3*VTH2),

/f Print out the oscillator frequency once every four input periods
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printf("time: %.11f, period: %.21f, vIn: % .4if, in_freq: %.2If, osc_freq:
%.21f\n" time * 19, (time/in_per), vin, in_freq * 1e-6, osc_freq * 1e-6);

}
}

//  Have a 180-degree phase shift at analysis step 500000, or after 5 s,

if( == 500000)
{
inp_val = (inp_val == 0)? 1:0;
}

i/ The next few statements simulate the phase/frequency comparator

if (inp_val==1 && pu_d==0 & & rst==0) pu=1,

if (osc_val==1 && pd_d==0 && rst==0) pd=1;

rst = (inp_val==1 && osc_val==1 && pu_d==0 && pd_d==0)? 1:0;
if (rst==1) {pu=0; pd=0; pu_d=1; pd_d=1; rst=0;}

if (inp_val==0 && pu==0) pu_d=0,

if (osc_val==0 && pd==0) pd_d=0; _

// Now we simulate the charge pump and low-pass filter

if (pu==1) delt_q = ICH*T;
else if (pd==1) delt_q = -ICH*T;
else delt_q = 0.0;

xln=delt_q+ xlIn_l;
x2n=xln+x2n_1 - k*x2n_1;
vin=ml*x2n + m2*x2n_1;

// Now we simulate the VCO

i_avg = IOSC + GOSC*((vln + vIn_1)/2.0 - VTH1);
v2n =v2n_1 +i_avg*T/C3;
if (v2n >= VTH2)

{
vZn=v2n_1 =0.0;
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osc_val = (osc_val == 0)? 1:0;

}
/f Update the state variables for the next iteration

xIn_1l =xIn;
x2n_1 = x2n;
vin_1 =vin;
v2n_l = v2n;

T

}
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16.7 PROBLEMS

16.1 A CMOS exclusive-OR gate is being used as phase-detector in a PLL. The
power-supply voltages are 0 V and 5 V. The low-pass filter is composed of
discrete components. The VCO has a 10 MHz free-running frequency for
when V4 = 2.5 V,and it has K., = 5 MHz/V. Assume we want the
time-constant of the loop to be 50 ys. Design the low-pass filter for Q = 0.5.
Accurately sketch the voltage waveforms of all nodes in the loop for when the
loop is in lock and the input frequency is 7 MHz, both with and without the
deglitching capacitor, C,, of the low-pass filter. Label the maximum and
minimum voltages of each node voltage in your sketch. What is the phase dif-
ference between the input signal and the*oscillator’s output signal? What is
the lock range of the loop, assuming the VCO is linear for IV <V < 4 V?

16.2 A PLL has an amplifier with a gain of A following its low-pass filter, as
shown in Fig. P16.2. The conversion factor of the phase detector is 3 V/rad
and the conversion factor of the VCO is 50 KHz/ V. The phase detector is a
multiplier. The design for the low-pass filter and the amplifier gain are to be
chosen. The PLL is intended to be used to demodulate a 5-KHz signal that

Output
V. +| Ph voltage
n
I ase —» Low-pass filter —0
——»| detector
vco [
Vosc chl

Fig. P16.2 A PLL in which an amplifier has been added after the low-pass filter.
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16.3

16.4

16.5

16.6

16.7

16.8

16.9

16.10

has been frequency modulated on a 5-MHz carrier having a £50-KHz devia-
tion. Design the filter so that the magnitude of the transfer function of the
small-signal model of the loop is maximally flat. The ~3-dB frequency should
be the same as the band width of the signal that has been modulated. The lock
range should be chosen so that the VCO’s frequency never exceeds one-half
the maximum possible range. Explain what happens to the lock range if the
amplifier gain is increased?

A PLL with a multiplier phase detector has been designed so its linearized
small-signal transfer function has a Q factor of 1/2 and a resonant frequency
of one-hundredth the free-running frequency of the VCO, when the VCO is at
its free-running frequency. What are the resonant frequency and Q factor
when the VCOr’s frequency is different from its free-running frequency by
one-half the lock range?

The low-pass filter designed in Example 16.4 has V;,, leading V.. by /8.
Accurately sketch the voltage waveforms of P, Py, and V|, both with and
without the deglitching capacitor, C, . Label the values of the voltages at each
major transition point. (Hint: The general equation that describes the transient
relaxation of a first-order circuit may be useful).

Let Kyoe = 225 MHz - V-! and I, = 10 HA in a charge-pump PLL.
Assume the time free-running frequency of the oscillator is 100 MHz and that
we want the loop to have a time constant of 50 cycles, or 0.5 us. Design the
components of the low-pass filter. The filter should include the second de-
glitching capacitor, C,. -

Sketch the waveforms of Vi, Voee, Py, Py, Pugsm» and Py e of the
phase/frequency comparator for the case when V,, has a much smaller fre-
quency than V...

Find reasonable values for all current sources, the resistors, and C . of the
emitter-coupled multivibrator in Fig. 16.12 so that the multivibrator has a
free-running frequency of 10 MHz. Assuming that the on voltage of a diode
changes by —2 mV for every °C increase in temperature, estimate the change
in frequency if the temperature increases by 20 °C.

Assume a ring oscillator is realized by five CMOS inverters that have a
threshold voltage equal to Vpp/2 . What would the change in frequency be if
the power-supply voltage changes from 5 V to 5.5 V? If this happens right at
the beginning of a period, what would the corresponding time jitter of output
waveform be at the end of the period?

Derive an equation for the frequency of operation of a ring oscillator that has
delay stages of the type shown in Fig. 16.20. Assume the capacitive load of
each output is constant and equal to G . Also, assume that, when an inverter
is switching, its bias current, I, changes very quickly from one side to the
other.

Shown in Fig. P16.10 is the bias circuitry and one stage of a four-stage ring
oscillator. Assume the loading at each output of the differential inverter is
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0.1 pF. Assume transistors are all in the active region. Given that Vgpy =1V,

Viet =1V, and R = 100 k€, derive and give a value for the frequency of
oscillation and for the oscillator's gain constant (in radians/volt).

Q1o J ¢
Qg |-—“_|D Q2 Qhg
Vbias o I I

I|_. 1
' Q14 Qqa
v
{ From other

p BN A L
s

O

- ¥ To other

r__pstages
e e ‘I; Q
]»1 ll-p- I|-¢- ]

4

Vref

—r—— —_—r— D]

Differential inverter

-

Fig. P16.10

16.11 Derive an equation for the frequency of operation of the CMOS relaxation
oscillator shown in Fig. 16.22.
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Caves, I. T., 394
CDS, see Sampling, correlated
double
Cell, beta-immune type-A, 592
CGDO parameter, 63
CGSO parameter, 63
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Chang, Z., 618
Channel:
accumulated, 20
inversion of, 70
inverted, 20
pinched-off, 23
short, effect, 26
Channel charge injection, 397
Channel length, 16
Channel-length modulation, 25, 31
Channel region, 16
Chao, K. C.-H., 555, 559
Charge:
bound positive, 3
minority, 12
trapping. input-transistor, 326-328
Charge injection, 21
charge-injection errors, 308-315
at higher frequencies, 426
making signal independent,
311-312
minimizing, 312-315
in switched-capacitor circuits,
423-427
Charge-voltage relatonship, 6
Charging time. 7
Chen, F., 565
Chi, K. K., 477
Circuits:
analog, layout of, 105118
matching issues. 106-115
noise considerations, 115-118
for bandgap references, 357-364
common-mode feedback, 287-291
continuous-time CMFB, 287-290
elements:
noise analysis examples.
204-216
noise models for, 196-204
gain, see Gain circuits
Norton equivalent, 157
proportional-to-absolute-tempera-
tare {PTAT), 353
sample-and-hold, see Sample-and-
hold {circuits)
start-up, 250, 260
switched-capacitor, 291, 394444,
374
amplitude modulators, 435
basic operation and analysis of,
398-408
biguad filters, 415423
capacitors in, 395-3%6
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and charge injection, 423-427
correlated douhle-sampling,
433-434
first-order filters used in,
409-415
gain circuits, 427433
for miscellaneous linear appli-
cations, 434-441
nonoverlapping clocks in,
397-398
opamps in, 395
settling time of, 234-236
signal-flow-graph analysis of,
407-408
switches in, 396-397
Thévenin-equivalent, 126
track-and-hoid, see Sample-and-
hold {circuits)
tuning, see Tuning
wide-swing constant-transconduc-
tance bias, 259-260
CJC parameter, 64
CIJE parameter, 64
CJO parameter, 62
CJ parameter, 62, 63
CIS parameter, 64
CJSW parameter, 63
Clocks:
feedthrough, 308
nonoverlapping, in switched-
capacitor circuits, 397-398
recovery, 648
CMFB, see Feedback, common-
mode (CMFB)
CMOS:
processing, 82-96
(transistor) pair, 608-609
variations of process, 93-94
Coban, A., 264, 286
Code, thermometer, 508
Coding:
memoryless, 562
offset binary, 453
1’s complement, 453
signed, in data converters,
452454
2’s complement, 454
Colleran, W. T., 352, 523
Colles, 1., 478
Comlinear Corporation, 292
Comparators, 304-333
bipolar, examples of, 328-330
CMOS, 509
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CMOS and BiCMOS, 321-326
latched, 317-321
mulu-stage, speed of, 315-317
opamps used for, 304-308
phase:
charge-pump, 663670
exclusive-or, vs. phase-locked
loops, 662663
phase/frequency simulation of,
688
Comparison phase, 305
Compensation:
dominant-pole, 240, 268
lead, 240, 242-246, 278
process and temperature sensi-
tivity, 246-248
pole-splitting, 242
Computer simulation, see SPICE,
simulation examples
of charge-pump PLL, 689-692
of phase-locked loops., 680692
source code, 689692
Constants, table of, 56
Contact, butting, 102-103
Continuous-time components,
681683
Converston, quad-slope, 489
Conversion time, 457
Converters, data:
absolute vs. relative accuracy of,
455456
A
algorithmic (cyclic), 504-307
architectures compared, 487
bowing, resistor-string,
509-510
bubble error removal, 510-512
charge-distribution with error-
correction, 500-503
charge-redistribution, speed es-
timates for, 503-504
conversion time and sampling
rate, 457
DAC-based successive-approx-
imation, 493494
digital calibration, 566-567
digital error correctton in,
514-516
dual-slope integrating, 487-491
error-feedback realization of,
546-547
first-order, realization of.
542-343
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flashback in, 512-513

flash (paraliel), 507-513

folding. 519-523

ideal, 447448

input capacitive loading in, 509

integrating, 487491

interpolating, 516-519

latch-to-track comparator delay
in, 510

missing codes, 457

multi-bit and single-bit feed-
back, 567-568

Nyguist-rate, 487-530

oversampling, signals and spec-
tra of, 548

pipelined, 523-526

quantization noise in, 448—452

ratio-independent, 504507

resistor-capacitor hybrid,
498-500

second-order noise shaping in,
543-544

signal and/or clock delay. 510

signed charge-redistribution
with single reference voltage,
498

SNR in, 451

substrate and power supply
noise in, 510

successive-approximation,
492-504

third-order design example,
568-571

time-interleaved, 526

two-step (subranging), 513-516

unipelar charge-distribution,
494-497

bandpass oversampling. 557-559
D/A:

binary-scaled, 469-475

binary-weighted resistor, 470

charge-redistribution switched-
capacit'or. 473-474

current-mode, 474

decoder-based., 463469

dynamically matched current
sources, 479481, 566

folded resistor-string, 466467

ghitches in, 474-475

hybrid, 481-484

ideal. 445447

monotonicity of, 457

multi-bit randomizer, 565-566

multiple resistor-string,
467-469
Nyquist-rate, 463-486
offset and gain errar of, 455
1-bit. advantage of, 537
oversampling, signals and spec-
tra of, 550
reduced-resistance-ratio lad-
ders, 470471
resistor-capacitor hybrid,
482483
resistor-string, 463466
R-2R-based, 471473
segmented, 483484
settling time and sampling rate,
457
signed outputs, 469
single-supply positive-cutput,
478-479
thermometer-code, 475481
thermometer-code current-
mode, 477478
transfer response of, 454-455
unipolar vs. signed, 446
dynamic range of, 458459
fundamentals of, 445462
multi-bit oversampling, 565-568
nonlinearity errors, 456—457
Nyquist-rate vs. oversampling,
445
opamp gain in, 564565
oversampling, 373, 531-573
without noise shaping, 331-537
performance limitations of,
454-460
resolution of, 455
sampling-time uncertainty, 458
signed coding used in, 452454
two-level, linearity of, 560-562

Convolution, 377
Current:

drain, 40

drift, 71

leakage, 42

reversed-biased, 5

scale, 13,45

source, cascode, 479
source, independent, 126
subthreshold, 20

mirrors, yee Mirrors, current

CVD, see Deposition, chemical vapor
Czamul, 7., 623
Czochralski method, 83




D
DAC, see Conventers, data, D/A
Damping factor, 238n
DAPRX, see Digital approximator
Darlington pair transistors, 295
Dattorro, 1., 554
dBm, 183
Decimation process, 548-549
Degeneration, source, 289
Degrauwe, M., 364
Delay, comparator, latch-to-track, in
A/D converters, 510
Delay, signal and/or clock, in A/D
converters, 510
Delta function, Dirac, 376
Delta-sigma (AX} modulation, 531
Demodulation, 648
Depletion:
capacitance, see Capacitance, de-
pletion
region, 3
transistors, 16
Deposition, chemical vapor (CVD),
87
Design, rules concerning, 96-105
Desoer, C., 659
Detectors:
peak. switched-capacitor circuits
as, 436-437
phase, 334, 648
phase/frequency, 668-670
De Veirman, G. A., 595
Difference equations, 681683
modelling a VCO, 683-686
simulation of a loop filter,
686687
Differential nonlinearity error
(DNL), 456-457
Differential pair, see Pair, differential
Diffusion capacitance, diode, deriva-
tion of equations of, 67-69
Diffusion implantation, 85-87
Digital-to-analog converters, see
Converters, data, D/A
Dhgital approximator (DAPRX), 524
Dingwall, A. G. F., 509
Dhode(s), 3-8
bridge, bipolar, in sampie-and-
hold, 343
clamps, 344
equations for, 5657
exponential relationship, deriva-
tion of equations of, 65-67
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forward-biased, junction capaci-
tance of, 13-14
forward-biased, small-signal mod-
el of, 14-15
noise models for, 198
reverse-biased, 5-8. 213
Schettky. 3. 15-16
single-sided, 5
SPICE parameters for, 61-62
transit time of, 13, 62
zener, 353
Diode-bridge switch, used in sample-
and-hold, 349-350
Dirac delta function, 376
Discrete-time signal(s}, see Signals,
discrete-time
Discrete-time signal processing
(DSP). see Signals, discrete-time
Distortion. total harmonic (THD),
636-638
Dithering, 563-564
DNL, see Differential nonlinearity
ermor
Doming CMOS logic, 322
Donors, 2
Dopant, concentration profile of,
85-87
Doping, 2
Downsampling, 379-381
Drain-bulk capacitance, 35
Drain current, 40
Drain-induced barrier lowering
(DIBL), 40
Drain voltage, 21
Dritt, 12-13
current. 71
Droop rate. 335
DSP, see Signals, discrete-time
DTMF, see Signals, dual-tone multi-
frequency
Duque-Carillo, J. F.. 289
Durham, A., 626

E

e beam, 83

Electrons, 1

Emission coefficient, 61

Emitter followers:
bipolar, 149-151
bipolar-transistor, 160163
overshoot in, 159
ringing i, 159

Equations, derivations of, 65-77
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Equations, summary of, 56-61
Erdi, G., 349
Error:
bubble, in A/D converters,
510-512
charge-injection, 308-315
correction, digital, in A/D convert-
ers, 514-516
differential nonlinearity (DNL),
456457
integral nonlinearity (INL), 456
guantization, 448, 532
Etch, plasma, reactive. 91

F
False lock, of a phase-locked loop,
662
Feedback:
common-mode (CMEB), 280,
287-291
current, in opamps, 291-295
and opamp compensation,
232-251
opamps used with, 222
Feedthrough, clock, 308
Ferguson, P., 555
Fermi level, 224
Fermi potential, 69
Fernandes, 1., 353
Field implants, 34, 87-88
Field-oxide, 87-89
Field-oxide isolation, 96
Filters:
anti-aliasing, 373
analog, 531
Bessel, 626
biquad, 582584
using switched-capacitor cir-
cuits, 415-423
brick-wall bandpass, 192
continuous-time, 574-647
adaptive. tuning methods based
on, 634636
dynamic range performance of,
636-643
first-order, 579-582
G,-C. 575-584, 578n
integrators in, 575-579
MOSFET-C, 620-626
R-MOSFET-C, 625-626
second-order, 582-584
spurious-free dynamic range
(SFDR), 641-643
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third-order intercept point (IP3),
638641
tuning, 574
digital decimation, 551333
multi-stage, 551-554
single stage, 554-555
discrete-time, 382-389
stability of, 385-386
first-order, in switched-capacitor
circuits, 409415
fully differential, 414-415
finite-impulse-response (FIR), 387
G,,C, 575-584
high-Q biquad, 420-423
infinite-impulse-response (IIR),
386-387
lead-lag, 649
loop, difference-equation sirmula-
tion of, 686687
low-Q} biquad, 415-420
smoothing, 531
switched-capacitor, 373
FIR, see Filters, finite-impulse-re-
sponse
Flashback, in A/D converters,
512-513
Fleischer, P. E., 440
‘Flicker noise, 189, 197
Folded-cascode stage, 140-141
Folding block, 519
Folding rate, 519
Fotouhi, B.. 498
Fourter transforms, 376
Foxall, T., 427
Frequency:
clock (sampling), 394
pole, 159
resonant, 238
response:
of current mirrors, 154-168
of sample-and-hold, 389-391
unity-gain, 54
Fried, D. L., 394
Fringing capacitance, 33

G
Gain cell:
Gilbert, 364n
translinear, 334, 364-366
Gain circuits;
capacitive-reset, 431-433
parallel resistor-capacitor,
427-428
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resettable, 428-430
switched-capacitor, 427433
Gain control, automatic (AGC), 649
Gain stage:
bipolar, 149-154
cascode, frequency response of.
163-168
cascode, high-frequency operation
of, 167-168
GAMMA, parameter, 63
Gamma radiation, 94
Gardner, F., 660°
Gate:
capacitance, 21
polysilicon, forming. 17, 90-91
realization of, 17
region. 16
voltage, 16
Gate-oxide, 89
Gate-source voliage, effective, 20
Gatti, U., 264, 347, 348
Gaussian profile, 85-87
Geiger, R., 41
Gendai, Y., 508, 510, 511
Gilbert. B., 364, 366, 592
Glasser, A, 113
Glitches, in IV/A converters, 474475
Goedenough. F.. 516 =
Gray, P. R., 40, 148. 155, 164
Grebene, A. B, 113, 483, 671, 675
Gregorian, R., 423,428, 436,441,671
Guard rings, 115, 120

H

Haigh, D. G., 311
Hairapethian, A.. 567
Hamadé, A. R., 463

Hodges, D., 49

Hogervorst, R., 286

Hold step, 334

Holes, 1

Holes, contact, opening, 91-93
Holloway. P.. 467

Hosticka, B. J., 263, 394, 460
Hotta, M., 507

Hurst. P.J., 434

Hybrid-n model, 50
Hysteresis, 319

I

Idle tones, 562564

IIR, see Filters, infinite-impulse-
response

Impact ionization, 261
Impedance, output, enhancement of,
265
Implant(s), field, 34
Implantation, diffusion and ion,
85-87
Inductors, noise models for, 202-203
Ingot, pulling, 83
Injection, channel charge. 397
Injection, charge, 21
INL, see Integral nonlinearity error
Insulator regien, 16
Integral nonlinearity error (INL), 456
Integrated circnits, device model
summary, 56-61
Integrated circuits, high-accuracy,
404
Integrators:
BiCMOS, 616-617
in continuous-time filters,
575-579
four-transistor, 623-625
fully differential, 577-579
G,-C opamp, 578f
inverting, parasitic-insensitive,
404
lossless digital (LDI}, 687
lossless discrete (LDI), 418
Miller, 578
used in transconductors, 600
parasitic-sensitive, 400407
two-transistor, 620—-623
Intercept point, second-order (IP2),
638
Intercept point, third-order (IP3),
638641
Interpolative structure, 538
Inversion, weak, moderate, and
strong, 24
Inversion of channels, 20, 70
Ten implantation, 85-87
lonization, impact, 261
IP2, see Intercept point, second-order
IP3, see Intercept point, third-order
Ishikawa, M., 343, 344
Isolation, field-oxide, 96
IS parameter, 61, 64
ISS parameter, 64
Ito, M., 511

J
Jacobs, G. M., 404

Jantzi, S. A., 559




JFET, see Transistors, junction field-
effect
Jitter, aperture, 335, 458
IS parameter, 61
Junctions, see pn junctions
abrupt vs. graded, 8-9
implanting, 91-93
minimizing, 101

K

Karanicolas, A. N,, 525
Kennedy, E. I, 196
Khorramabadi, H., 632
Khoury, J. M., 632

Ki, W.H., 433
Kickback, 318

Kim, B., 678
Kingsbury, N. G., 687
Koyama, M., 589, 590
Kozma, K., 634

KP parameter, 62
Krambeck, R. H., 322
Krummenacher, F., 600, 603, 632
Kujik, K., 360
Kusumeto, K., 518
Kwan, T., 399, 633

L
Laber, C. A., 616,617
[aker, K. R., 423
LAMBDA parameter, 63
Laplace transforms, 374-377
of sample-and-hold, 389
Larson, L. E., 566
Latch-mode time constant, 319
Latch-to-track comparator delay, in
AJD converters, 310
Latch-up, 94, 118-120
Law, S., 270
Layout, 82, 96-120
automatic, 96
common centroid, 107
resistor, 112-115 -
rules concerning, 96105
transistor, 107-108
LDI, see Lossless digital integrator
LD parameter, 63
Lead compensatien, see Compensa-
tion, lead
Leakage currents, 42
Least significant bit (LSB), 446
Lee, H., 500
Lee, T., 657
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Leopold, H. A., 537

Letham, L., 477

LEVEL parameter, 62

Li, P. W., 504

Lim, P., 341, 344

Lin, Y-M, 525

Loading, input, capacitive, in A/D
converters, 509

Lock range, of a phase-locked loop,
661-662

Logic, domino CMOS, 322

Loaop, phase-locked. see Phase-
locked loop

Lossless digital integrator (LDI}), 687

LSB, see Least significant bit

M

Maloberti, F., 107, 112, [15

Martin, K. W, 264, 287, 311, 322,
342, 347, 349, 363, 398, 404, 406,
416, 419, 420, 431, 433, 437, 524,
525

Mask, 97

Masking, see Photolithography

Marthworks, Inc., 680

Matlab, 680

Matsumoto, H., 431

Matsuya, Y.. 5356 -

Matsuzawa, A, 349, 351
McCharles, R. H.. 504
McCreary, J. L., 304, 339, 494
Meijer, G., 363
Mely, silicon, 83
Memory, static random-access
(SRAM), 94
Meztal, pattern, depositing, 93-94
Metastablity, 321
Meyr, H., 670
Michejda, J., 362, 363
Miki, T., 477
Miller:
approximation, 155
capaciiance, 153
capacitor, 34
effect, 168
integration, 620
integrators, see Integrators, Miller
Milter, G., 327
Miller's Theorem, 226
Mirrors. current:
advanced, 256-266, 273-278
basic, 125-180
bipolar, 146—148
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cascode, 137-139, 260
in common-drain amplifiers,
1289-132
in common-gate amplifiers,
132-134
in common-source amplifiers,
128-129
enhanced output-impedance,
260-264
frequency response of, 154-168
high-output impedance, 137-140
high-output impedance, frequency
response of, 163
opamp, 273-278
simple CMOS, 125-128
source-degenerated, 135-136
in source-follower amplifiers,
129-132
SPICE example of, 169-176,
297-299
wide-swing, 256-260
with enhanced output imped-
ance, 264-266
Wilson, 139-140
MIC parameter, 64
MIJE parameter, 64
M]J parameter, 62, 63
MIS parameter, 64
MISW parameter, 63
Model:
hipolar T, 149
hybrid-m, 50
MOS, large-signal, 24-27
small-signal, of forward-biased di-
ode, 14-15
T, 32,52, 55-56
Modelling:
BITs:
large-signal, 4647
small-signal, 50-56
MOS, advanced, 3942
leakage currents, 42
subthreshold operation, 41-42
MOS, small-signal, 2836
noise, see Noise, analysis and
modelling
semiconductors, 1-81
small-signal, in triode and cutoft
regions, 36-39
Modulation, channel-length, 25, 31
Modulation, delta-sigma (AZX), 531
Modulators, 334
amplitude, switched-capacitor
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circuits as, 435
delta-sigma (AZX), practical consid-
erations, 559-565
delta-sigma (AX), stability of,
559-560
higher-order, 555-557
noise-shaped delta-sigma (AZ),
538-540
1-bit, quantization noise power of,
545-546
square-wave, switched-capacitor
circuits as, 435436
Moen, U, 625, 626
Moraveii, F., 353
Moree, I. P., 591
MOS differential pair and gain stage,
142-146
MOSFETs, see Transistors,
MOSFET
MOS triode relationship, derivation
of equations of, 71-74
Multiplier:
analog, 366
Gilbert, 366
translinear, 334, 366-368
two-quadrant, 364n
Multivibrators, bipolar emitter-
coupled, 671675

N
Nagaraj, K., 433
Nayebi, M., 342, 343
Nedungadi, A., 608, 612, 613
Nguyen, N. M., 671
NMOS, see Transistors, n-channel
Noise, 181-220
in A/D converters, 448452
analysis and modelling, 181-220
analysis examples, 204-216
frequency-dematn analysis,
186-196
madels for circuit elements,
196-204
time-domain analysis,
181-186
bandwidth of, 192-194
and circuit layout, 115-118
filtered, 190-192
in fully differential opamps, 280
inherent vs. interference, 181
Johnson or Nyquist, 197
in MOS opamps, 232
normalized power of, 182
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1/ (flicker), 189, 197
tangent principle, 196
piecewise integration of,
194-196
quantization, 448—452
in 1-bit modulators, 545-546
modelling, 532
random, 182
rms value of, 182-183
sampled signal, 204
shaped quantization, 531
shaping:
in data converters, 445
first-order, 540-542
in higher-order modulators,
556-557
in oversampling data convert-
ers, 531-537, 540-544
Shot (Schottky), 197
signal-to-noise ratio, 183
spectral density of, 186—188
substrate and power supply, in
A/D converters, 510
summation of, 184-186
thermal, 196-197
transfer-function curves, 545
white, 188-189, 532-534
Norsworthy, S., 322, 563 -
Norton equivalent circuit, 157
NSUB parameter, 63
n-well process, 18, 82
Nyquist, H., 197

0
O’Leary, P., 107,112,115
1"s complement, see Coding, 1's
complement
Opamps:
advanced, 266-299
biasing for stable transconduc-
tance, 248-251
CMOS:
inherent input-offset voltage,
229-231
noise analysis example of,
210-213
as comparators, 304-308
compensation of, 221, 232-251
current-feedback, 291-295
current-mirror, 273-278
design of, 221-255
dominant-pole compensated,
232

folded-cascode, 266-273
slew rate of, 270-273
small-signal analysis of,
266-273
SPICE example of, 295
fully differential, 280-287
folded-cascode, 281-282
gain of, 223-225
in converters, 564-565
dc, 395
MOS, notse in, 232
noise modelling and analysis, 202
example of, 204-207
phase margin of, 395
slew rate of, 227229, 395
SPICE simulation examples of,
251-252
in switched-capacitor circuits,
394-395
transconductance, 267
two-stage CMOS, 221-232
compensating, 240-242
frequency response of, 225-227
n-channel or p-channel input
stage, 231-232
unity-gain frequency of, 395
Open-circuit constant-time approach,
464
Operational transconductance ampli-
fiers (OTAs), 267
vs. transconductance cells, 575
Oscillators:
CMOS relaxation, 679-680
crystal, 394
ring, 675-679
sinusoidal, switched-capacitor cir-
cuits as, 440441
sinusoidal-output, 670
square-wave-output, 670
voltage-controlled (VCOs), 648,
670680
bipolar, 671
difference-equation modelling
of, 683-686
digital-ontput MOS, 675-679
switched-capacitor circuits as,
437-440
OSR, see Oversampling, ratio
OTAs, see Operational transconduc-
tance amplifiers
Overetching, 106
minimizing, 108
Overglass deposition, 93-94




Overloading, quantizer, 448
Oversampling, 204

advantage, without noise shaping,

535-537

with noise shaping, 538-547

ratio (OSR), 535
Overshoot, 157

in emitter followers, 159

in source followers, 159
Oxide:

field, 87-89

gate, 89

thermal, 89

P
Padmanabhan, M., 579
Pair, differential, 142146
bias-offset cross-coupled,
615-617
bipotar, 151-154
with floating voltage sources,
612-614
source-connected, 610-611
transconductors using, 592-597
Palmer, C., 363
Parasitics, integrator sensitivity to,
400407
Park, C. 8., 611
Passivation, 93-94
PB parameter, 62, 63
PCA, see Programmable capacitor
array
Peak detectors, switched-capacitor
circuits as, 436437
Pedestal, sampling, 334
Peetz, B., 507
Pennock, J. L., 605
Permittivity, electrical, 7t
Petschacher, R., 353, 515
PHA parameter, 62
Phase detector, 334, 648
Phase-locked loops (PLLs), 437,
648695
architecture of, 648—-663
capture range of, 659661
with charge-pump phase compara-
tors, 663-670
vs. exclusive-OR phase compara-
tors, 662—663
false lock of, 662
linearized small-signal analysis of,
653-659
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lock range of, 661662
transient settling time, 667
Phase margin (PM), 237
PHI parameter, 62, 63
Photodetector, 213
Photolithography, 83-85
Photoresist, 84
Pinch-off:
of a channel, 23
region, 25
Pipelining, 524
Planarizing, 94
Plasma etch, reactive, 91
PLL, see Phase-locked loops
Plot, pole-zero, 384
PM, see Phase margin
pn junctions, 1-16
diodes, 3-8
forward-biased, 12-15
graded, 8-9
large-signal capacitance, 9-12
Schottky diodes, 15-16
Pole frequency, 159
Pole-splitting compensation, 242
Pole-zero plot, 384
Polymerization, 84
Polysilicon gates, 17
Poschenreider, W., 394
Potential, see Voltage
Fermi, 69
Poujous, R., 313, 314, 323
Poulton, K., 527
Power-supply connections, 115
Preamp, fiber-optic, noise analysis
example of, 213-216
Proakis, 1. G., 378
Processes:
BiCMOS, 94
CMOS, 93-94
epitaxial, 117
n-well, 82
twin-tub, 93
Processing, §2-96
bipolar, 95-96
Programmable capacitor array
(PCA), 473
PTAAT, see Circuits, proportional-
to-absolute-temperature

Q

Q factor, 159, 238
Quantization error, 448, 532
Quantization noise, 448—452
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R
Radiation, 94
RAMDAC:, see Converters, data,
D/A, single-supply positive-output
Razavi, B., 323, 326, 679
RB parameter, 64
RC parameter, 64
RD parameter, 63
Real, P., 346, 353
Rebeschini, M., 434
Rectifiers, full-wave, switched-
capacitor circuits as, 435-436
Reference, bandgap voltage, see
Bandgap voltage reference
Region:
active {pinch-off), 23, 25
defining, 87
equations for, 25, 58-60
depletion, 3
epitaxial, 48
gate, insulator, and channel, 16
saturation, 23n
in BiTs, 47
subthreshold, 41
triode, 23-24
equations for, 57-58
Register, successive-approximation,
493
Reinhard, D., 113
RE parameter, 64
Reset phase, 303
Resistance per square, 73
Resistors:
equivalence of switched capacitor,
398400
layouts, 112-115
noise models for, 197-198
off-chip, 248
triode-region transistors used to re-
alize, 248
Reynolds, D., 678
Ring(s), guard, 115, 120
Ringing, 157
in emitter followers, 159
in source followers, 159
during transients, 265
Roberge, 1. K., 243
Robertson, D., 353
Root mean square voltage, 182
Root spectral density, 187
vs. spectral density, 190
RS parameter, 61, 63
Rules for layout and design, 96-105
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5
Sickinger, E., 263. 264
Sample-and-hold (circuits), 334-353
bipolar and Bi\(CMOS. 349-353
CMOS, examples of, 343-349
diede-bridge switch, based on,
349-350
errors due to charge injection,
341-342
frequency response of, 389-391
Laplace transform of, 389
MOS, 336-343
switched-capacitor technology,
based on, 346-349
testing, 335-336
Sampling:
correlated double, 395, 433434
pedestal, 334
rate, 457
time, ideal vs. true, 339
upsampling and downsampling,
379-381
SAR, see Successive-approximation
register
Saramaki, T., 554
Sarhang-Nejad, M., 567
Saturation:
carrier-velocity. 39
region, 23n
in BITs, 47
velocity, 26
Scale current, 13, 45
Schaumann, R., 634
Schoeff, J. A, 483
Schottky, W., 197
Schottky diodes, see Diodes,
Schottky
Schouwenaars, H. J.. 479, 481, 483,
566
Schreier, R., 5538, 560
Search, binary, 492
Sedra, A. S, 139, 155, 159, 226, 233,
236, 238, 464, 503. 671
Seevinck, E., 608, 613
Semiconductor, operation and mod-
elling of, 1-81
Senderowitz, D,, 291
Settling time, 265, 457
linear, of folded-cascode and cur-
rent-mirror amplifiers, 278-280
of switched-capacitor circuits.
234-236
SFDR, see Spurious-free dynamic
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range
Shieh, I., 309, 337
Shields, 116-117
Short-channel effects, 26, 3941
Shoval, A., 619, 634
Sigma-delta moduiation, see Delta-
sigma (AX) modulation
Signal(s):
discrete-time, 373-393
Laplace transforms of, 374-377
dual-tone multi-frequency
(DTMF), 440
power, in 4 sinusoidal wave, 535
spectra, 373-374
of discrete-time signals.
376-377
Signal-to-noise ratio (SNR), 183, 451
calculating, 536
Silicon:
dioxide, depositing, 41-93
doping. 2
fabrication of wafers. 82-83
intrinsic, |
Fermi level of, 224
melt, 83
Silva-Martinez, J., 603, 631
Stmulation. see SPICE, simulation
examples -
comparator phase/frequency, 683
Simulink, 680
Sinc response. 390
Sinusoid, signal power in, 535
Slew rate:
of folded-cascode opamps. 270-
273
limiting, 270
of an epamp, 227-229
Snelgrove, W, M.. 611
SNR, see Signal-to-noise ratio
Sone. K., 344, 353
Song, B-8. 321, 363, 525
Sooch. N. 8., 256. 348
Source:
degeneration, 289
follower, 223
vs. bipolar emitter-follow, 149
overshoot in, 15%
ringing in, 159
terminal, 16-17
Source-bulk capacitance, 35
Spacer, 96
Spectra. signal, see Signal specira
Spectral density:

of noise, 186-188
vs. root spectral density, 190
SPICE:
and lead compensation, 243-244
modelling parameters, 61-65
simulation examples:
current mirror, 169-176
current-mirror opamp, 297-299
folded-cascode opamp, 295-297
of opamps, 251-252
of phase-locked loops, 680-692
Spurious-free dynamic range
(SFDR). 641-643
SRAM, see Memory, static random-
access
Stafford, K. R., 341
Start-up circuits, see Circuits, start-up
Steininger, J. M., 248
Steyaert, M., 5E1, 516, 518
Storage, base charge:
in BJTs, 48-49
derivation of equations of, 77
Structure, interpolative, 538
Sub-dac, 500
Substrate, well, 18
Substrate tie, 92
Subthreshold current, 20
Subthreshold region, 41
Successive-approximation register
(SAR), 493
Sun, §.Y., 679
Sutarja, 5., 525
Swanson, E. ], 327
Switches:
MOSFETs as, 396
sharing, 413
in switched-capacitor circuits,
396-397
Symbols for MOS transistors, 17-19
Synthesizers, frequency, 648
Sze, S. M., 66

T

Tan, K-8, 503, 631

Tanimoto, H., 593, 595
Temes, G. C., 433, 547

Test, beal, 335

Tewksbury, T. L., 327

TF parameter, 64

THD, see Total harmonic distortion
Thermal oxide, 89
Thermometer code, 508
Thermometer-code converters,




475-481
Thévenin equivalent, 126
Threshoid voltage, 20
MOS, derivation of equations of,
69-71
Tie, substrate, 92
Time:
constant, latch-mode, 319
charging, 7
transit, of diodes, 13
T model, 32, 52, 55-56
bipolar, 149
Tones, idle, 562-564
Total harmonic distortion (THD),
636638
TOX parameter, 62
Track-and-latch stage, 317
Transconductance:
in BJT small-signal model, 50
cells, vs. OTAs, 575
and opamp biasing, 248-251
transistor, 30
Transconductors:
BiCMOS, 616-620
bipolar, 584-597
CMOS:
active transistors used in,
607-616 )
triode transistors used in,
597-607
constant drain-source voltages
used in, 605-607
constant sum of gate-source volt-
ages used in, 609-610
differential pairs used in, 592-597
fixed:
active MOS with translinear
multiptier, 619-620
resistors used in, 584-5%0
fixed-resistor, with translinear
multiplier, 617-618
gain-cell, 590-592
inverter-based, 611-612
tunable, 590
varying bias-triode transistors
used in, 600605
Transforms:
bilinear, 387-389
Fourier, 376
Laplace, 374-377
2, 377-379
Transients, ringing due to, 265
Transistors:
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active, in CMOS transconductors,
607-616
basic operation of, 1-81
bipolar:
differential pair, 151-154
emitter-follower, 160-163
exponential relationship, deri-
vation of equations of, 74-77
noise models for, 198-200
bipolar-junction (BJT), 16, 42-56
base-charge storage in, 48—49
basic operation of, 4446
equations for, 60-61
large-signal modelling, 46-47
processing, 95-96
small-signal medelling, 50-56
speed of, 54
SPICE parameters for, 63—65
CMOS pair, 608-609
common-emilter current gain, 76
Darlington pair, 295
depletion, 16, 353
differential pair, 142-146
diode-connected, 126
enhancement, 353
enhancement nN-channel, 16
junction field-effect (JFET), 18
large, layout of, 103-103
lateral, 147
layouts, 103-105, 107-108
MOS, 16-39
vs. BIT, 30
advanced modelling of, 3942
basic operation of, 19-24
body effect in, 27-28
equations for, 57-60
large-signal modelling of,
24-27
modelling in active region,
28-36
modelling p-channel transistors,
28
small-signal modelling in triede
and cutoff regions, 36-39
SPICE parameters for, 62-63
symbols for, 17-19
threshold-voltage and body-
effect equations, 6971
MOSFETs, 24
noise models for, 200201
as switches, 396
n-channel (NMQS), 16
p-channel, 16
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modelling, 28
threshold voltage, 20
transconductance, 30
triode, CMOS transconductors us-
ing, 597-607
varying bias-triode, 600-605
well, 360
Transit time, 62
of diodes, 13
Trapping. charge, by input transis-
tors, 326-328
Triode region, 23-24
Trip point, 319
TR parameter, 64
Tsividis, Y., 33, 69, 354
TT parameter, 62
Tuning, 626-636
adaptive filtering, based on,
634-636
constant transconductance,
628-629
continuous-time filters, 574
frequency, 630-633
direct vs. indirect, 628
overview of circuitry, 627628
Q-factor, 633-636
Twin-tub process, 93
2’s complement, see Coding, 2°s
complement
Tzanateas, G., 364

U
UO parameter, 62

Upsampling, 379-381

Vv
VAF parameter, 64
Vaidyanathan, P. P., 554
Van de Grift, R, E. 1., 516, 523
Van de Plassche, R. 1., 329, 518
Van Valburg, J., 511, 516, 523
Vapor deposition, 87
VAR parameter, 64
VCOs, see Oscillators, voltage-
controlled
Velocity saturation, 26
Viswanathan, T. R., 630
Viterbi, A.. 660
Viuoz, E. A., 313,323
V1] parameter. 62
Voltage, see Potential
bandgap. reference, see Bandgap
voltage reference
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buffers, 130
drain, 21
early, 4647
effective gate-source, 20
gate, 16
gate-to-source, 1§
in transconductors, 609—610
inherent {systematic) input-offset,
229-231
input-offset, errors in, 307-308
native transistor threshold, 71
relationship to charge, 6
rms value of, 182
threshold:
adjusting, 89
MOS, derivation of equations
of, 69-71
transistor, 20
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Vorenkamp, P., 353, 523
VTO parameter, 62

w
Wafer, epitaxial, 83
Wafers, fabrication of, 82-83
Wakayama, M., 352, 679
Wakimoto, T, 328
Wang, Z., 615
Well, 7
definition of, 83-85
substrate, 18
Iransistors, 360
Welland, D. R., 590, 598
Whatley, R. A., 287
Wiener-Khinchin theorem, 188
Willingham, S. D, 579, 617
Wilson current mirrors, 139—140

Wolf, S., 39
Wong, 5. L., 606
Wyszynski, A., 591

Y

Yang, 1. W, 482, 483
Ye, R, 360

Yee, Y. 5., 304
Yoshii, Y., 507
Young, 1. A, 394, 678
Yukawa, A, 317

Z

Zener diode, 353

Zero-value time-constant analysis,
1535, 164

Z-transform,
377-379






