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Multipliers

Name Symbol Value
terra T 10"
giga G 10°
mega M (MEG in SPICE) 108
kilo k 10°
milli m 107
micro u (or u) 107
nano n 10°
pico p 1072
femto f 107"
atto a (not used in SPICE) 10°®

Physical Constants

Name Symbol Value/Units
Vacuum dielectric £, 8.85 aF/um
constant
Silicon dielectric &g 11.7¢,
constant
SiO, dielectric €, 3.97¢,
constant
SiN; dielectric £y l6g,
constant
Boltzmann’s constant k 1.38 x 102 J/K
Electronic charge q 1.6 x 10" C
Temperature T Kelvin
Thermal voltage v kT/q =26 mV @ 300K
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Preface

CMOS (complementary metal oxide semiconductor) technology continues to be the
dominant technology for fabricating integrated circuits (ICs or chips). This dominance
will likely continue for the next 25 years and perhaps even longer. Why? CMOS
technology is reliable, manufacturable, low power, low cost, and, perhaps most
importantly, scalable. The fact that silicon integrated circuit technology is scalable was
observed and described in 1965 by Intel founder Gordon Moore. His observations are
now referred to as Moore’s law and state that the number of devices on a chip will double
every 18 to 24 months. While originally not specific to CMOS, Moore’s law has been
fulfilled over the years by scaling down the feature size in CMOS technology. Whereas
the gate lengths of early CMOS transistors were in the micrometer range (long-channel
devices) the feature sizes of current CMOS devices are in the nanometer range
(short-channel devices).

To encompass both the long- and short-channel CMOS technologies in this book,
a two-path approach to custom CMOS integrated circuit design is adopted. Design
techniques are developed for both and then compared. This comparison gives readers
deep insight into the circuit design process. While the square-law equations used to
describe  MOSFET operation that students learn in an introductory course in
microelectronics can be used for analog design in a long-channel CMOS process they are
not useful when designing in short-channel, or nanometer, CMOS technology. The
behavior of the devices in a nanometer CMOS process is quite complex. Simple
equations to describe the devices' behavior are not possible. Rather electrical plots are
used to estimate biasing points and operating behavior. It is still useful, however, for the
student to use mathematical rigor when learning circuit analysis and design and, hence,
the reason for the two-path approach. Hand calculations can be performed using a
long-channel CMOS technology with the results then used to describe how to design in a
nano-CMOS process.

XXXi
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XXXil Preface

What's new in the third edition of CMOS? The information discussing computer-
aided design (CAD) tools (e.g., Cadence, Electric, HSPICE, LASI, LTspice, and
WinSpice) has been moved to the book's webpage, http://CMOSedu.com. In addition,
chapters were added covering the implementation of data converters and feedback
amplifiers. This additional, practical, information should make the book even more useful
as an academic text and companion for the working design engineer. As in the earlier
editions, the book is filled with practical design examples, discussions, and problems.
The solutions to the end-of-chapter problems (for self-study) and the netlists used when
simulating the circuits are found at CMOSedu.com. Additional problems are also found
at this website. Those interested in gaining an in-depth knowledge of CMOS analog and
digital design will be greatly aided by downloading, modifying, and simulating the design
examples found in the book.

The assumed background of the reader is a knowledge of linear circuits (e.g., RC
and RLC circuits, Bode plots, Laplace transforms, AC analysis, etc.), microelectronics
(e.g., diodes, transistors, small-signal analysis, amplifiers, switching behavior, etc.), and
digital logic design. Several courses can be taught using this book including VLSI or
CMOS digital IC design (chapters 1-7 and 10-19), CMOS analog IC design (chapters 9
and 20-24), and advanced analog IC design (chapters 8 and 25-31).

How will this book be useful to the student, researcher, or practicing engineer?

A great deal of effort has gone into making this book useful to an eclectic audience. For
the student, the book is filled with hundreds of examples, problems, and practical
discussions (according to one student there can never be too many examples in a
textbook). The layout discussions build a knowledge foundation important for
troubleshooting and precision or high-speed design. Layout expertise is gained in a
step-by-step fashion by including circuit design details, process steps, and simulation
concerns (parasitics). Covering layout in a single chapter and decoupling the discussions
from design and simulation was avoided. The digital design chapters emphasize
real-world process parameters (e.g., I, , 1, , £, , ¥DD). The analog chapters provide
coherent discussions about selecting device sizes and design considerations. Likewise
“cookbook” design procedures for selecting the widths/lengths of MOSFETSs and design
using long-channel equations in a short-channel process are not present. The focus is on
preparing the student to “hit the ground running” when they become a custom CMOS IC
designer or product engineer.

For the researcher, topics in circuit design such as noise considerations and
sensing using delta-sigma modulation (DSM) continue to be important in nanometer
CMOS. For example, in Ch. 17 the use of DSM has been applied to CMOS image
sensors, Flash memory, and memory using thin oxides (direct tunneling). Sensing using
DSM is important because it makes use of the fact that as CMOS clock speeds are going
up, the gain and matching of transistors is deteriorating. Further, Ch. 8 discusses
noise-limited design issues such as, “Why can’t I improve the signal-to-noise ratio in my
imaging chip?” or “Why is integrating thermal or flicker noise harmful?”

For the working engineer, the book provides design and layout examples that will
be immediately useful in products. At the risk of stating the obvious, matching, power,
speed, process shifts, power supply voltage variations, and temperature behavior are
extremely important in practical design. The discussions and examples found in this book
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Preface XXxiii

are focused on these topics. Phase-locked loops, charge pumps, low-voltage references,
single and fully-differential op-amp designs, continuous-time and clocked comparators,
memory circuits, etc., are covered in detail with numerous examples. To ensure the most
practical computer validation of the designs, the simulations for the nanometer designs (a
50 nm process) use the BSIM4 SPICE models. Again, all of the book's simulation
examples are available at CMOSedu.com.
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Chapter

Introduction to CMOS Design

This chapter provides a brief introduction to the CMOS (complementary metal oxide
semiconductor) integrated circuit (IC) design process (the design of “chips”). CMOS is
used in most very large scale integrated (VLSI) or ultra-large scale integrated (ULSI)
circuit chips. The term “VLSI” is generally associated with chips containing thousands or
millions of metal oxide semiconductor field effect transistors (MOSFETSs). The term
“ULSI” is generally associated with chips containing billions, or more, MOSFETs. We’ll
avoid the use of these descriptive terms in this book and focus simply on “digital and
analog CMOS circuit design.”

We’ll also introduce circuit simulation using SPICE (simulation program with
integrated circuit emphasis). The introduction will be used to review basic circuit analysis
and to provide a quick reference for SPICE syntax.

1.1 The CMOS IC Design Process

The CMOS circuit design process consists of defining circuit inputs and outputs, hand
calculations, circuit simulations, circuit layout, simulations including parasitics,
reevaluation of circuit inputs and outputs, fabrication, and testing. A flowchart of this
process is shown in Fig. 1.1. The circuit specifications are rarely set in concrete; that is,
they can change as the project matures. This can be the result of trade-offs made between
cost and performance, changes in the marketability of the chip, or simply changes in the
customer’s needs. In almost all cases, major changes after the chip has gone into
production are not possible.

This text concentrates on custom IC design. Other (noncustom) methods of
designing chips, including field-programmable-gate-arrays (FPGAs) and standard cell
libraries, are used when low volume and quick design turnaround are important. Most
chips that are mass produced, including microprocessors and memory, are examples of
chips that are custom designed.

The task of laying out the IC is often given to a layout designer. However, it is
extremely important that the engineer can lay out a chip (and can provide direction to the
layout designer on how to layout a chip) and understand the parasitics involved in the
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2 CMOS Circuit Design, Layout, and Simulation

layout. Parasitics are the stray capacitances, inductances, pn junctions, and bipolar
transistors, with the associated problems (breakdown, stored charge, latch-up, etc.). A
fundamental understanding of these problems is important in precision/high-speed design.

Define circuit inputs
and outputs
(Circuit specifications) [€

)

Hand calculations
and schematics

I}

Circuit simulations 1

Does the circuit
meet specs?

*>| Layout |
'

[Re-simulate with parasitics ’

Does the circuit
meet specs?

4)‘ Prototype fabrication |

{ Test and evaluate J

No, fab problem No, spec problem

Does the circuit
meet specs?

Production

Figure 1.1 Flowchart for the CMOS IC design process.
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Chapter 1 Introduction to CMOS Design 7

CMOS Inverter

Figure 1.8 shows the schematic of a CMOS inverter. Note the use of a modified bipolar
symbol for the MOSFET (see Fig. 4.14 and the associated discussion). Also note that the
connections of the sources (the terminals with arrows) and drains are backwards from
most circuit design and schematic drawing practices. Current flows from the top of the
schematic to the bottom, and the arrow indicates the direction of current flow.

Figure 1.8 Inverter schematic from US Patent 3,356,858 [S].

When the input voltage, V,, is —V (the negative supply rail), the output, ¥V, goes to
+V (the positive supply voltage). The NMOS device (bottom) shuts off and the PMOS
device (top) turns on. When the input goes to +¥, the output goes to —¥ turning on the
NMOS and turning off the PMOS. So if a logic 0 corresponds to —¥ and a logic 1 to +V,
the circuit performs the logical inversion operation. This topology has several advantages
over digital circuits implemented using BJTs including an output swing that goes to the
power supply rails, very low static power dissipation, and no storage time delays (see Sec.
2.4.3).

The First CMOS Circuits

In 1968 a group led by Albert Medwin at RCA made the first commercial CMOS
integrated circuits (the 4000 series of CMOS logic gates). At first CMOS circuits were a
low-power, but slower, alternative to BJT logic circuits using TTL (transistor-transistor
logic) digital logic. During the 1970s, the makers of watches used CMOS technology
because of the importance of long battery life. Also during this period, MOS technology
was used for computing processor development, which ultimately led to the creation of
the personal computer market in the 1980s and the use of internet, or web, technology in
the 1990s. It's likely that the MOS transistor is the most manufactured device in the
history of mankind.

Currently more than 95% of integrated circuits are fabricated in CMOS. For the
present, and foreseeable future, CMOS will remain the dominant technology used to
fabricate integrated circuits. There are several reasons for this dominance. CMOS ICs can
be laid out in a small area. They can handle very high operating speeds while dissipating
relatively low power. Perhaps the most important aspect of CMOS's dominance is its
manufacturability. CMOS circuits can be fabricated with few defects. Equally important,
the cost to fabricate in CMOS has been kept low by shrinking devices (scaling) with each
new generation of technology. This also, for digital circuits, is significant because in
many cases the same layout can be used from one fabrication size (process technology
node) to the next via simple scaling.
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Chapter 1 Introduction to CMOS Design 9

Operating Point

The first SPICE simulation analysis we'll look at is the .op or operating point analysis. An
operating point simulation's output data is not graphical but rather simply a list of node
voltages, loop currents, and, when active elements are used, small-signal AC parameters.
Consider the schematic seen in Fig. 1.10. The SPICE netlist used to simulate this circuit
may look like the following (again, remember, that all of these simulation examples are
available for download at CMOSedu.com):

*** Figure 1.10 CMOS: Circuit Design, Layout, and Simulation ***

*#destroy all

*#run
*#print all
.op
Vin 1 0 DC 1
R1 1 2 1k
R2 2 0 2k
.end
nodel RIL 1k node 2
Vin, 1 V R2,2k

Figure 1.10 Operation point simulation for a resistive divider.

The first line in a netlist is a title line. SPICE ignores the first line (important to avoid
frustration!). A comment line starts with an asterisk. SPICE ignores lines that start with a
* (in most cases). In the netlist above, however, the lines that start with *# are command
lines. These command lines are used for control in some SPICE simulation programs. In
other SPICE programs, these lines are simply ignored. The commands in this netlist
destroy previous simulation data (so we don't view the old data), run the simulation, and
then print the simulation output data. SPICE analysis commands start with a period. Here
we are performing an operating point analysis. Following the .op, we've specified an input
voltage source called Vin (voltage source names must start with a V, resistor names must
start with an R, etc.). connected from node 1 to ground (ground always has a node name
of 0 [zero]). We then have a 1k resistor from node 1 to node 2 and a 2k resistor from node
2 to ground. Running the simulation gives the following output:
v(1) = 1.000000e+00

v(2) = 6.666667e-01
vin#branch = -3.33333e-04

The node voltages, as we would expect, are 1 V and 667 mV, respectively. The current
flowing through Vin is 333 pA. Note that SPICE defines positive current flow as from the
+ terminal of the voltage source to the — terminal (hence, the current above is negative).
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10 CMOS Circuit Design, Layout, and Simulation

It's often useful to use names for nodes that have meaning. In Fig. 1.11, we
replaced the names node 1 and 2 with Vin and Vout. Vin corresponds to the input voltage
source's name. This is useful when looking at a large amount of data. Also seen in Fig.
1.11 is the modified netlist.

*** Figure 1.11 CMOS ***
*#destroy all

Vin %k Vout *#run
*#Hprint all

. .op
Vin, 1 V R2, 2k Vin Vin0 DC 1

R1 Vin Vout 1k
R2 Vout 0 2k
.end

Figure 1.11 Operation point simulation for a resistive divider.

Transfer Function Analysis

The transfer function analysis can be used to find the DC input and output resistances of a
circuit as well as the DC transfer characteristics. To give an example, let's replace, in the
netlist seen above, .op with

.TF V(Vout,0) Vin

The output is defined as the voltage between nodes Vout and 0 (ground). The input is a
source (here a voltage source). When we run the simulation with this command line, we
get an output of

transfer_function = 6.666667e-01
output_impedance_at_v(vout,0) = 6.666667e+02
vin#input_impedance = 3.000000e+03

As expected, the "gain" of this voltage divider is 2/3, the input resistance is 3k (1k + 2k),
and the output resistance is 667 Q (1k|2k).

As another example of the use of the .tf command consider adding the 0 V voltage
source to Fig. 1.11, as seen in Fig. 1.12. Adding a 0 V source to a circuit is a common
method to measure the current in an element (we plot or print I(Vmeas) for example).

*** Figure 1.12 CMOS ***
*#destroy all

*#run ’

*#print all

.TF [(Vmeas) Vin
VinVin0 DC 1

R1 Vin Vout 1k

R2 Vout Vmeas 2k
Vmeas Vmeas 0 DC 0
.end

Figure 1.12 Measuring the transfer function in a resistive divider when the output
variable is the current through R2 and the input is Vin.
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Chapter 1 Introduction to CMOS Design 11

Here, in the .tf analysis, we have defined the output variable as a current, I(Vmeas) and
the input as the voltage, Vin. Running the simulation, we get an output of
transfer_function = 3.333333e-04

vin#input_impedance = 3.000000e+03
vmeas#output_impedance = 1.000000e+20

The gain is I(Vmeas)/Vin or 1/3k (= 333 umhos), the input resistance is still 3k, and the
output resistance is now an open (Vmeas is removed from the circuit).

The Voltage-Controlled Voltage Source

SPICE can be used to model voltage-controlled voltage sources (VCVS). Consider the
circuit seen in Fig. 1.13. The specification for a VCVS starts with an E in SPICE. The
netlist for this circuit is

*** Figure 1.13 CMOS: Circuit Design, Layout, and Simulation ***

*#destroy all
*#run
*#print all

TIF  V(Vout,0) Vin
Vin  Vin 0 DC 1

R1 Vb 0 3k
R2 vt Vout 1k

R3 Vout O 2k
E1 Vt Vb Vin 0 23
.end

The first two nodes (Vt and Vb), following the VCVS name El, are the VCVS outputs
(the first node is the + output). The second two nodes (Vin and ground) are the
controlling nodes. The gain of the VCVS is, in this example, 23. The voltage between Vt
and Vb is 23-Vin. Running this simulation gives an output of

transfer_function = 7.666667e+00

output_impedance_at_v(vout,0) = 1.333333e+03
vin#input_impedance = 1.000000e+20

Notice that the input resistance is infinite.

Figure 1.13 Example using a voltage-controlled voltage source.
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12 CMOS Circuit Design, Layout, and Simulation

An Ideal Op-Amp

We can implement a (near) ideal op-amp in SPICE with a VCVS or with a voltage-
controlled current source (VCCS), Fig. 1.14. It turns out that using a VCCS to implement
an op-amp in SPICE results, in general, in better simulation convergence. The input
voltage, the difference between nodes nl and n2 in Fig. 1.14, is multiplied by the
transconductance G (units of amps/volts or mhos) to cause a current to flow between n3
and n4. Note that the input resistance of the VCCS, the resistance seen at nl and n2, is
infinite.

n3
nl + R
w2 G, gain
- n4

Voltage-Controlled Current Source (VCCS)
Gl n3ndnln2G

Figure 1.14 Voltage-controlled current source in SPICE.

Figure 1.15 shows the implementation of an ideal op-amp in SPICE along with an
example circuit. The open-loop gain of the op-amp is a million (the product of the
VCCS's transconductance with the 1-ohm resistor). Note how we've flipped the polarity
of the (SPICE model of the) op-amp's input to ensure a rising voltage on the noninverting
input (+ input) causes Vout to increase. The closed-loop gain is —3 (if this isn't obvious
then the reader should revisit sophomore circuits before going too much further in the
book).

Rf, 3k
_________ YW
Rin, 1k | | i Vout
VWIS IMEG Z1ohm
Vin, 1V v :
| ldealopamp |
Rf, 3k
AAA
Rin, 1k
AN >
— Vout
Vin, 1V +

Figure 1.15 An op-amp simulation example.
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Chapter 1 Introduction to CMOS Design 13

The Subcircuit

In a simulation we may want to use a circuit, like an op-amp, more than once. In these
situations we can generate a subcircuit and then, in the main part of the netlist, call the
circuit as needed. Below is the netlist for simulating, using a transfer function analysis,
the circuit in Fig. 1.15 where the op-amp is specified using a subcircuit call.

*** Figure 1.15 CMOS: Circuit Design, Layout, and Simulation ***
*#destroy all

*#run

*#print all

.TF V(Vout,0) Vin

Vin Vin 0 DC 1

Rin Vin vm 1k

Rf Vout Vm 3k

X1 Vout O vm Ideal_op_amp

.subckt Ideal_op_amp Vout Vp vm

G1 Vout 0 vm Vp 1MEG
RL Vout O 1

.ends

.end

Notice that a subcircuit call begins with the letter X. Note also how we've called the
noninverting input (the + input) Vp and not V+ or +. Some SPICE simulators don't like +
or — symbols used in a node's name. Further note that a subcircuit ends with .ends (end
subckt). Care must be exercised with using either .end or .ends. If, for example, a .end is
placed in the middle of the netlist all of the SPICE netlist information following this .end
is ignored.

The output results for this simulation are seen below. Note how the ideal gain is
-3 where the simulated gain is —2.99999. Our near-ideal op-amp has an open-loop gain of
one million and thus the reason for the slight discrepancy between the simulated and
calculated gains. Also note how the input resistance is 1k, and the output resistance,
because of the feedback, is essentially zero.

transfer_function = -2.99999e+00

output_impedance_at_v(vout,0) = 3.999984e-06
vin#input_impedance = 1.000003e+03

DC Analysis

In both the operating point and transfer function analyses, the input to the circuit was
constant. In a DC analysis, the input is varied and the circuit's node voltages and currents
(through voltage sources) are simulated. A simple example is seen in Fig. 1.16. Note how
we are now plotting, instead of printing, the node voltages. We could also plot the current
through Vin (plot Vin#branch). The .dc command specifies that the input source, Vin,
should be varied from 0 to 1 V in 1 mV steps. The x-axis of the simulation results seen in
the figure is the variable we are sweeping, here Vin. Note that, as expected, the slope of
the Vin curve is one (of course) and the slope of Vout is 2/3 (= Vout/Vin).
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Chapter 1 Introduction to CMOS Design 29

Note that in some high-gain circuits with feedback (like the op-amp’s designed later in
the book) decreasing these values can actually help convergence.

Some Common Mistakes and Helpful Techniques

The following is a list of helpful techniques for simulating circuits using SPICE.

1.

10.

The first line in a SPICE netlist must be a comment line. SPICE ignores the first
line in a netlist file.

One megaohm is specified using IMEG, not 1M, 1m, or 1 MEG.

One farad is specified by 1, not 1f or 1F. 1F means one femto-Farad or 107"
farads.

Voltage source names should always be specified with a first letter of V. Current
source names should always start with an I.

Transient simulations display time data; that is, the x-axis is time. A jagged plot
such as a sinewave that looks like a triangle wave or is simply not smooth is the
result of not specifying a maximum print step size.

Convergence with a transient simulation can usually be helped by adding a UIC
(use initial conditions) to the end of a .tran statement.

A simulation using MOSFETs must include the scale factor in a .options
statement unless the widths and lengths are specified with the actual (final) sizes.

In general, the body connection of a PMOS device is connected to VDD, and the
body connection of an n-channel MOSFET is connected to ground. This is easily
checked in the SPICE netlist.

Convergence in a DC sweep can often be helped by avoiding the power supply
boundaries. For example, sweeping a circuit from 0 to 1 V may not converge, but
sweeping from 0.05 to 0.95 will.

In any simulation adding .OPTIONS RSHUNT=1E8 (or some other value of resistor)
can be used to help convergence. This statement adds a resistor in parallel with
every node in the circuit (see the WinSPICE manual for information concerning
the GMIN parameter). Using a value too small affects the simulation results.

ADDITIONAL READING

(1]

[2]

(3]

(4]

[5]

R. J. Baker, CMOS Mixed-Signal Circuit Design, 2nd ed., John-Wiley and Sons,
2009. ISBN 978-0470290262

S. M. Sandler and C. Hymowitz, SPICE Circuit Handbook, McGraw-Hill, 2006.
ISBN 978-0071468572

K. Kundert, The Designer's Guide to SPICE and Spectre, Springer, 1995, ISBN
978-0792395713

A. Vladimirescu, The SPICE Book, John-Wiley and Sons, 1994. ISBN 978-
0471609261

F. M. Wanlass, “Low Standby-Power Complementary Field Effect Transistor,”
US Patent 3,356,858, filed June 18, 1963, and issued December 5, 1967.
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PROBLEMS

1.1

1.2

1.3

14
1.5

1.8
1.9

1.10

111

1.12

What would happen to the transfer function analysis results for the circuit in Fig.
1.11 if a capacitor were added in series with R1? Why? What about adding a
capacitor in series with R2?

Resimulate the op-amp circuit in Fig. 1.15 if the open-loop gain is increased to
100 million while, at the same time, the resistor used in the ideal op-amp is
increased to 100 Q. Does the output voltage move closer to the ideal value?

Simulate the op-amp circuit in Fig. 1.15 if Vin is varied from -1 to +1V. Verify,
with hand calculations, that the simulation output is correct.

Regenerate IV curves, as seen in Fig. 1.18, for a PNP transistor.

Resimulate the circuit in Fig. 1.20 if the sinewave doesn't start to oscillate until 1
ps after the simulation starts.

At what frequency does the output voltage, in Fig. 1.21, become half of the input
voltage? Verify your answer with SPICE

Determine the output of the circuit seen in Fig. 1.22 if a 1k resistor is added from
the output of the circuit to ground. Verify your hand calculations using SPICE.

Using an AC analysis verify the time domain results seen in Fig. 1.22,

If the capacitor in Fig. 1.24 is increased to 1 pF simulate, similar to Fig. 1.26 but
with a longer time scale, the step response of the circuit. Compare the simulation
results to the hand-calculated values using Eqgs. (1.10) and (1.11).

Using a PWL source (instead of a pulse source), regenerate the simulation data
seen in Fig. 1.26.

Using the values seen in Fig. 1.32, for the inductor and capacitor determine the Q
of a series resonant LC tank with a resistor value of 10 ohms. Note that the
resistor is in series with the LC and that an input voltage source should be used
(the voltage across the LC tank goes to zero at resonance.)

Suppose the input voltage of the integrator in Fig. 1.34 is zero and that the op-amp
has a 10 mV input-referred offset voltage. If the input-referred offset voltage is
modeled using a 10 mV voltage source in series with the non-inverting (+)
op-amp input then estimate the output voltage of the op-amp in the time-domain.
Assume thatat =0 V__ = 0. Verify your answer with SPICE.

out
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Chapter

The Well

To develop a fundamental understanding of CMOS integrated circuit layout and design,
we begin with a study of the well. The well is the first layer fabricated when making a
CMOS IC. The approach of studying the details of each fabrication (layout) layer will
build a solid foundation for understanding the performance limitations and parasitics (the
pn junctions, capacitances, and resistances inherent in a CMOS circuit) of the CMOS
process.

The Substrate (The Unprocessed Wafer)

CMOS circuits are fabricated on and in a silicon wafer, as discussed in Ch. 1. This wafer
is doped with donor atoms, such as phosphorus for an n-type wafer, or acceptor atoms,
such as boron for a p-type wafer. Our discussion centers around a p-type wafer (the most
common substrate used in CMOS IC processing). When designing CMOS integrated
circuits with a p-type wafer, n-channel MOSFETs (NMOS for short) are fabricated
directly in the p-type wafer, while p-channel transistors, PMOS, are fabricated in an
“n-well.” The substrate or well are sometimes referred to as the bulk or body of a
MOSFET. CMOS processes that fabricate MOSFETs in the bulk are known as “bulk
CMOS processes.” The well and the substrate are illustrated in Fig. 2.1, though not to
scale.

Often an epitaxial layer is grown on the wafer. In this book we will not make a
distinction between this layer and the substrate. Some processes use a p-well or both n-
and p-wells (sometimes called twin tub processes). A process that uses a p-type (n-type)
substrate with an n-well (p-well) is called an “n-well process” (“p-well process™). We will
assume, throughout this book, that an n-well process is used for the layout and design
discussions.

A Parasitic Diode

Notice, in Fig. 2.1, that the n-well and the p-substrate form a diode. In CMOS circuits, the
substrate is usually tied to the lowest voltage in the circuit (generally, the substrate is
grounded) to keep this diode from forward biasing. Ideally, zero current flows in the
substrate. We won’t concern ourselves with how the substrate is connected to ground at
this point (see Ch. 4).
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n-well
. I
. Flip chip v )
Chlp _> p-type epi layer (p-)
on its side
and enlarge

p-type substrate (p+)

MOSFETS are not shown.

Figure 2.1 The top (layout) and side (cross-sectional) view of a die.

Usually, we
will not show
the epitaxial
layer. Many
processes don't use
the epi layer.

p-substrate

Using the N-well as a Resistor

In addition to being used as the body for p-channel transistors, the n-well can be used as a
resistor, Fig. 2.2. The voltage on either side of the resistor must be large enough to keep
the substrate/well diode from forward biasing.

Substrate <« Resistor leads —_—
connection 3

1

AUA
N n-well
Shows parasitiV7 T
diode
p-substrate

Figure 2.2 The n-well can be used as a resistor.

2.1 Patterning

CMOS integrated circuits are formed by patterning different layers on and in the silicon
wafer. Consider the following sequence of events that apply, in a fundamental way, to any
layer that we need to pattern. We start out with a clean, bare wafer, as shown in Fig. 2.3a.
The distance given by the line A to B will be used as a reference in Figs. 2.3b—j. Figures
2.3b—j are cross-sectional views of the dashed line shown in (a). The small box in Fig.
2.3a is drawn with a layout program (and used for mask generation) to indicate where to
put the patterned layer.
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36 CMOS Circuit Design, Layout, and Simulation

2.2 Laying Out the N-well

When we lay out the n-well, we are viewing the chip from the top. One of the key points
in this discussion, as well as the discussions to follow, is that we do layout to a generic
scale factor. If, for example, the minimum device dimensions are 50 nm (= 0.05 um =
50 x 10°m), then an n-well box drawn 10 by 10, see Fig. 2.6, has an actual size after it
is fabricated of 10-50 nm or half a micron (0.5 um = 500 nm), neglecting lateral
diffusion or other process imperfections. We scale the layout when we generate the GDS
(calma stream format) or CIF (Caltech-intermediate-format) file from a layout program.
(A GDS or CIF file is what the mask maker uses to make reticles.) Using integers to do
layout simplifies things. We’ll see in a moment that many electrical parameters are ratios
(such as resistance) and so the scale factor cancels out of the ratio.

Cross section
shown belowi

1110

p-substrate

Figure 2.6 Layout and cross-sectional view of a 10 by 10 (drawn) n-well.

2.2.1 Design Rules for the N-well

Now that we’ve laid out the n-well (drawn a box in a layout program), we might ask the
question, “Are there any limitations or constraints on the size and spacing of the
n-wells?” That is to say, “Can we make the n-well 2 by 2?” Can we make the distance
between the n-wells 1? As we might expect, there are minimum spacing and size
requirements for all layers in a CMOS process. Process engineers, who design the
integrated circuit process, specify the design rules. The design rules vary from one
process technology (say a process with a scale factor of 1 um) to another (say a process
with a scale factor of 50 nm).

Figure 2.7 shows sample design rules for the n-well. The minimum size (width or
length) of any n-well is 6, while the minimum spacing between different n-wells is 9. As
the layout becomes complicated, the need for a program that ensures that the design rules
are not violated is needed. This program is called a design rule checker program (DRC
program). Note that the minimum size may be set by the quality of patterning the resist
(as seen in Fig. 2.5), while the spacing is set by the parasitic npn transistor seen in Fig.
2.7. (We don’t want the n-wells interacting to prevent the parasitic npn from turning on.)
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1
Cross section X
‘
I
|

shown belOW\L i l Design rules: width of
"""""""""""""" the n-well must be at
least 6 while spacing

should be at least 9.

\ n-well } 5 n-well }
A p-substrate

Parasitic npn bipolar transistor

Figure 2.7 Sample design rules for the n-well.

2.3 Resistance Calculation

In addition to serving as a region in which to build PMOS transistors (called the body or
bulk of the PMOS devices), n-wells are often used to create resistors. The resistance of a
material is a function of the material’s resistivity, p, and the material’s dimensions. For
example, the slab of material in Fig. 2.8 between the two leads has a resistance given by

P L-scale P L
R =L .L:scale b & .
t W-scale t W 2.2
In semiconductor processing, all of the fabricated thicknesses, ¢, seen in a cross-
sectional view, such as the n-well’s, are fixed in depth (this is important). When doing
layout, we only have control over W (width) and L (length) of the material. The W and L
are what we see from the top view, that is, the layout view. We can rewrite Eq. (2.2) as

L P
R = quuare ‘ W - quuare = 7

R is the sheet resistance of the material in /square (noting that when L = W the

square

layout is square and R =R

square) *

(2.3)

w
/(—) 5

Layout view

B

Figure 2.8 Calculation of the resistance of a rectangular block of material.
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Example 2.1

Calculate the resistance of an n-well that is 10 wide and 100 long. Assume that the
n-well’s sheet resistance is typically 2 kQ/square; however, it can vary with
process shifts from 1.6 to 2.4 kQ/square.

The typical resistance, using Eq. (2.3), between the ends of the n-well is
R =2,000- 180 = 2040

The maximum value of the resistor is 24k, while the minimum value is 16k. B
Layout of Corners

Often, to minimize space, resistors are laid out in a serpentine pattern. The corners, that
is, where the layer bends, are not rectangular. This is shown in Fig. 2.9a. All sections in
Fig 2.9a are square, so the resistance of sections 1 and 3 is R_,,,. The equivalent
resistance of section 2 between the adjacent sides, however, is approximately 0.6 R ...
The overall resistance between points A and B is therefore 2.6 -R,_,,.. As seen in Ex. 2.1
the actual resistance value varies with process shifts. The layout shown in Fig. 2.9b uses
wires to connect separate sections of unit resistors to avoid corners. Avoiding corners in a
resistor is the (generally) preferred method of layout in analog circuit design where the
ratio of two resistors is important. For example, the gain of an op-amp circuit may be

RR,.

Layout (top view) ﬁ '——— B

@ | (b)

Figure 2.9 (a) Calculating the resistance of a corner section and (b) layout to avoid corners.

2.3.1 The N-well Resistor

At this point, it is appropriate to show the actual cross-sectional view of the n-well after
all processing steps are completed (Fig. 2.10). The n+ and p+ implants are used to
increase the threshold voltage of the field devices; more will be said on this in Ch. 7. In
all practical situations, the sheet resistance of the n-well is measured with the field
implant in place, that is, with the n+ implant between the two metal connections in Fig.
2.10. Not shown in Fig. 2.10 is the connection to substrate. The field oxide (FOX; also
known as ROX or recessed oxide) are discussed in Chs. 4 and 7 when we discuss the
active and poly layers. The reader shouldn’t, at this point, feel they should understand any
of the cross-sectional layers in Fig. 2.10 except the n-well. Note that the field implants
aren’t drawn in the layout and so their existence is transparent to the designer.
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40 CMOS Circuit Design, Layout, and Simulation

increases, the electrons gain energy (heat is absorbed by the silicon crystal), which causes
some of the valence electrons to break free and move to a conducting energy level, E..
Figure 2.11 shows the movement of an electron from the valence band to the conduction
band. Note that there aren’t any allowable energies between E, and E, in the silicon
crystal structure (if the atom were by itself, that is, not in a crystal structure this exact
limitation isn’t present). Further note that when the electron moves from the valence
energy band to the conduction energy band, a hole is left in the valence band. Having an
electron in the conduction band increases the material’s conductivity (the electron can
move around easily in the semiconductor material because it’s not tightly coupled to an
atom’s nucleus). At the same time a hole in the valence band increases the material’s
conductivity (electrons in the valence band can move around more easily by simply
falling into the open hole). The key point is that increasing the number of electrons or
holes increases the materials conductivity. Since the hole is more tightly coupled to the
atom’s nucleus (actually the electrons in the valence band), its mobility (ability to move
around) is lower than the electron’s mobility in the conduction band. This point is
fundamentally important. The fact that the mobility of a hole is lower than the mobility
of an electron (in silicon) results in, among other things, the size of PMOS devices being
larger than the size of NMOS devices (when designing circuits) in order for each device
to have the same drive strength.

o electron

E,

E,

0000000000600 060000000

hole

Figure 2.11 An electron moving to the conduction band, leaving
behind a hole in the valence band.

Carrier Concentrations

Pure silicon is often called intrinsic silicon. As the temperature of the silicon crystal is
increased it absorbs heat. Some of the electrons in the valence band gain enough energy
to jump the bandgap energy of silicon, E, (see also Eq. (23.21)), as seen in Fig. 2.11. This
movement of an electron from the valence band to the conduction band is called
generation. When the electron loses energy and falls back into the valence band, it is
called recombination. The time the electron spends in the conduction band, before it
recombines (drops back to the valence energy band), is random and often characterized by
the carrier lifetime, t,(a root-mean-square, RMS, value of the random times the electrons
spend in the conduction band of the silicon crystal). While discussing the actual processes
involved with generation-recombination (GR) is outside the scope of this book, the
carrier lifetime is a practical important parameter for circuit design. Another important
parameter is the number of electrons in the conduction band (and thus the number of
holes in the valence band) at a given time (again a random number). These carriers are
called intrinsic carriers, 7, At room temperature

n; = 14.5 x 10° carriersicm® 2.5)
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noting that cm® indicates a volume. If we call the number of free electrons (meaning
electrons excited up in the conduction band of silicon) » and the number of holes p, then
for intrinsic silicon,

n=p=n; ~14.5x 10° carriersicm® 2.6)

This may seem like a lot of carriers. However, the number of silicon atoms, N , in a
given volume of crystalline silicon is

Nsi =50 x 102! atoms/cm® 2.7
so there is only one excited electron/hole pair for (roughly) every 10* silicon atoms.

Next let’s add different materials to intrinsic silicon (called doping the silicon) to
change silicon’s electrical properties. If we add a small amount of a material containing
atoms with five valence electrons like phosphorous (silicon has four), then the added
atom would bond with the silicon atoms and the donated electron would be free to move
around (and easily excited to the conduction band). If we call the density of this added
donor material N,, with units of atoms/cm’ and we assume the number of atoms added to
the silicon is much larger than the intrinsic carrier concentration, then we can write the
number of free electrons (the electron concentration #) in the material as

n=Np when Ng; >> Np >>n; (2.8)

A material with added donor atoms is said to be an “n-type” material. Similarly, if we
were to add a small material to silicon with atoms having three valence electrons (like
boron), the added material would bond with the silicon resulting in a hole in the valence
band. Again, this increases the conductivity of silicon because, now, the electrons in the
valence band can move into the hole (having the effect of making it look like the hole is
moving). The added material in this situation is said to be an acceptor material. The
added material accepts an electron from the silicon crystal. If the density of the added
acceptor material is labeled N, , then the hole concentration, p , in the material is

p =Ny when Ng; >> Ng4>>n; 2.9)
A material with added acceptor atoms is said to be a “p-type” material.

If we dope a material with donor atoms, the number of free electrons in the
material, n , goes up, as indicated by Eq. (2.8). We would expect, then, the number of free
holes in the material to go down (some of those free electrons fall easily into the available
holes reducing the number of holes in the material). The relationship between the number
of holes, electrons, and intrinsic carrier concentration, is governed by the mass-action law

pn=n? ' (2.10)

Consider the following example.

Example 2.2
Suppose silicon is doped with phosphorous having a density, N, , of 10%
atoms/cm’. Estimate the doped silicon’s hole and electron concentration.

The electron concentration, from Eq. (2.8) is, » = 10'® electrons/cm® (one electron
for each donor atom). The hole concentration is found using the mass-action law
as

IPR2023-00698
Theta EX2019



42 CMOS Circuit Design, Layout, and Simulation

Basically, all of the holes are filled. Note that with a doping density of 10'® there
is one dopant atom for every 50,000 silicon atoms. If we continue to increase the
doping concentration, our assumption that N, >> N, isn’t valid and the material is
said to be degenerate (no longer mainly silicon). A degenerate semiconductor
doesn’t follow the mass-action law (or any of the equations for silicon we
present). B

Fermi Energy Level

To describe the carrier concentration in a semiconductor, the Fermi energy level is often
used. The Fermi energy level is useful when determining the contact potentials in
materials. For example, the potential that you have to apply across a diode before it turns
on is set by the p-type and n-type material contact potential difference. Also, the threshold
voltage is determined, in part, by contact potentials.

The Fermi energy level simply indicates the energy level where the probability of
occupation by a free electron is 50%. Figure 2.12a shows that for intrinsic silicon the
(intrinsic) Fermi level, E, is close to the middle of the bandgap. In p-type silicon, the
Fermi level, E, , moves towards the valence band, Fig. 2.12b, since the number of free
electrons, n , is reduced with the abundance of holes. Figure 2.12c shows the location of
the Fermi energy level in n-type silicon. The Fermi level moves towards £, with the
abundance of electrons in the conduction band.

E E E
¢ ¢ ______] c_ Efn
""""""""" Et ____'_’_'_'__'Ei TTTTTTTTTTTTT E;
S E,
(a) Intrinsic silicon (b) p-type silicon (c) n-type silicon
E. —
\ q- Vi
y __ E.
Ef """"""""""""""""""""""" Ef
£y p-type n-type
E,
(d) A pn-junction diode

Figure 2.12 The Fermi energy levels in various structures.
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The energy difference between the E, and E, is given, for a p-type semiconductor,

by

Ei-Ep=kT-In54 @.11)
and for an n-type semiconductor by

Epp—Ei=kT-In52 2.12)

The band diagram of a pn junction (a diode) is seen in Fig. 2.12d. Note how the Fermi
energy level is constant throughout the diode. A variation in E, would indicate a
nonequilibrium situation (the diode has an external voltage applied across it). To get
current to flow in a diode, we must apply an external potential that approaches the diode’s
contact potential (its built-in potential, ¥,; ). By applying a potential to forward bias the
diode, the conduction energy levels in each side of the diode move closer to the same
level. The voltage applied to the diode when the conduction energy levels are exactly at
the same level is given by

En—Ep kT, 1n NalNp
q g "2

i

Vi = (2.13)

noting that k7/q = V7 is the thermal voltage.
2.4.2 Depletion Layer Capacitance

We know that n-type silicon has a number of mobile electrons, while p-type silicon has a
number of mobile holes (a vacancy of electrons in the valence band). Formation of a pn
Jjunction results in a depleted region at the p-n interface (Fig. 2.13). A depletion region is
an area depleted of mobile holes or electrons. The mobile electrons move across the
junction, leaving behind fixed donor atoms and thus a positive charge. The movement of
holes across the junction, to the right in Fig. 2.13, occurs for the p-type semiconductor as
well with a resulting negative charge. The fixed atoms on each side of the junction within
the depleted region exert a force on the electrons or holes that have crossed the junction.
This equalizes the charge distribution in the diode, preventing further charges from
crossing the diode junction and also gives rise to a parasitic capacitance. This parasitic
capacitance is called a depletion or junction capacitance.

Anode, A —{>¢* Cathode, K
/ vy \

p—type n-type
0000089199‘@8 eeeeceoe
cooo0o0 cplction LRI BB I Y Y
—ooooo® region +® e0e 00000
OOOOO@Q@@@@ e ® 0o ¢ ¢ 00

Two plates of a capacitor

Figure 2.13 Depletion region formation in a pn junction.
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The depletion capacitance, C;, of a pn junction is modeled using

Vo) |”
- (Ge)]
C, is the zero-bias capacitance of the pn junction, that is, the capacitance when the
voltage across the diode is zero. ¥, is the voltage across the diode, m is the grading

coefficient (showing how the silicon changes from n- to p-type), and ¥, is the built-in
potential given by Eq. (2.13).

C = (2.14)

Example 2.3

Schematically sketch the depletion capacitance of an n-well/p-substrate diode 100
x 100 square (with a scale factor of 1 um), given that the substrate doping is 10"
atoms/cm’ and the well doping is 10" atoms/cm’. The measured zero-bias
depletion capacitance of the junction is 100 aF/um® (= 100 x 10~'® F/pwn?), and
the grading coefficient is 0.333. Assume the depth of the n-well is 3 um.

The n-well doping (n-type side of the diode) is N, = 10", while the substrate
doping is N, is 10". We can calculate the built-in potential using Eq. (2.13)

16,1017

Vi = 26mV-1n—0--10"

= 759 mV
(145 x 10%)°

The depletion capacitance is made up of a bottom component and a sidewall
component, as shown in Fig. 2.14 (see Eq. (5.17) for the more general form of Eq.
(2.14)).

+Va—
]

\ n-well _|_ _J/ I_

/ . \ .
Bottom capacitance | Sidewall capacitance
p-substrate

Figure 2.14 A pn junction on the bottom and sides of the junction.

The bottom zero-bias depletion capacitance, Cy, , is given by

Cios = (capacitancelareq) - (scale)? - (bottom area)  (2.15)
which, for this example, is

Cjos = (100 aF/pm?)- (1 um)* - (100)* = 1pF
The sidewall zero-bias depletion capacitance, Cﬂ: , is given by
Cjos = (capacitancelarea) - (depth of the well) - (perimeter of the well) - (scale)?
or (2.16)

Cjos = (100 aF/um?) - (3)-(400) - (1 um)’ = 120 fF
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The total diode depletion capacitance between the n-well and the p-substrate is the
parallel combination of the bottom and sidewall capacitances, or

o of Ciop + Cj
G = LA e U Sy @17

EONECINEA)

Substituting in the numbers, we get
_ 1pF + 0.120 pF 1.120 pF

i) -G

A sketch of how this capacitance changes with reverse potential is given in Fig.
2.15. Notice that when we discuss the depletion capacitance of a diode, it is
usually with regard to a reverse bias (¥, is negative). When the diode becomes
forward-biased minority carriers, electrons in the p material and holes in the n
material, injected across the junction, form a sfored or diffusion charge in and
around the junction and give rise to a storage or diffusion capacitance. This
capacitance is usually much larger than the depletion capacitance. Furthermore,
the time it takes to remove this stored charge can be significant. B

C;, diode depletion capacitance
Cjo, zero-bias depletion capacitance

A

(') Vb, diode voltage

Figure 2.15 Diode depletion capacitance against diode reverse voltage.

2.4.3 Storage or Diffusion Capacitance

Consider the charge distribution of the forward-biased diode shown in Fig. 2.16. When
the diode becomes forward biased, electrons from the n-type side of the junction are
aitracted to the p-type side (and vice versa for the holes). After an electron drifts across
the junction, it starts to diffuse toward the metal contact. If the electron recombines, that
is, falls into a hole, before it hits the metal contact, the diode is called a long base diode.
The time it takes an electron to diffuse from the junction to the point where it recombines
is called the carrier lifetime, 7, (see Sec. 2.4.1). For silicon this lifetime is on the order of
10 ps. If the distance between the junction and the metal contact is short, such that the
electrons make it to the metal contact before recombining, the diode is said to be a short
base diode. In either case, the time between crossing the junction and recombining will be
labeled 7, (transit time). A capacitance is formed between the electrons diffusing into the
p-side and the holes diffusing into the n-side, that is, formed between the minority
carriers. (Electrons are the minority carriers in the p-type semiconductor.) This
capacitance is called a diffusion capacitance or storage capacitance due to the presence
of the stored, or diffusing, minority carriers around the forward-biased pn junction.
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Metal contact Storage or diffusion capacitance

p-type v n-type
+ _

X

Minority carriers
Figure 2.16 Charge distribution in a forward-biased diode.

We can characterize the storage capacitance, C;, in terms of the minority carrier
lifetime. Under DC operating conditions, the storage capacitance is given by

Cs=nI—Il/)T-‘CT (2.18)

I, is the DC current flowing through the forward-biased junction given by Eq. (2.4).
Looking at the diode capacitance in this way is very useful for analog AC small-signal
analysis. However, for digital applications, we are more interested in the large-signal
switching behavior of the diode. It should be pointed out that, in general, for a CMOS
process, it is undesirable to have a forward-biased pn junction. If we do have a
forward-biased junction, it usually means that there is a problem. For example,
electrostatic protection diodes are turning on (Fig. 4.17), capacitive feedthrough is
possibly causing latch-up, or such. These topics appear in more detail later in the book.

Consider Fig. 2.17. In the following diode switching analysis, we assume that ¥,
>> 0.7, V; < 0 and that the voltage source has been at ¥V, long enough to reach
steady-state condition; that is, the minority carriers have diffused out to an equilibrium
condition. At the time ¢#,, the input voltage source makes an abrupt transition from a
forward voltage of V. to a reverse voltage of V, , causing the current to change from
% to %. The diode voltage remains at 0.7 V, because the diode contains a stored
charge that must be removed. At time ¢,, the stored charge is removed. At this point, the
diode basically looks like a voltage-dependent capacitor that follows Eq. (2.14). In other

1 Diode current
R Ve—0.74 o
_I) R <—s). Diode voltage

VF <~/ .1 0.7
Z

Vr 1L time
Ve—0.7 | ‘\E\»

N R i - Ve

f ty 13
Figure 2,17 Diode reverse recovery test circuit.
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words for ¢ > ¢, , the diode-depletion capacitance is charged through R until the current in
the circuit goes to zero and the voltage across the diode is V,. This accounts for the
exponential decay of the current and voltage shown in Fig. 2.17.

The diode storage time, the time it takes to remove the stored charge, #,, is simply
the difference in ¢, and 7, or

t=t—t (2.19)

This time is also given by

=17 1n% (2.20)

Ve=07 _ . Ve=07 _ . . g . .
where - R07 =ir and £ RO l—ir=a negative number in this discussion. Note that it is
quite easy to determine the minority carrier lifetime using this test setup.

Defining a time ¢,, where f, > t,, when the current in the diode becomes 10% of

Ve -0.7 . .
£——_ we can define the diode reverse recovery time, or

t=t,—t (2:21)

fd

Note that the reverse recovery time (the time it takes to shut off a forward-biased diode) is
one of the big reasons that digital circuits made using silicon bipolar transistors don’t
perform as well, in general, as their CMOS counterparts.

Table 2.1 SPICE parameters related to diode.

Name SPICE
I IS Saturation current
R; RS Series resistance
n N Emission coefficient
Vi BV Breakdown voltage
I, IBV Current which flows during ¥V,
Co CJo Zero-bias pn junction capacitance
Vi \2) Built-in potential
m M Grading coefficient
Tr TT Carrier transit time

2.4.4 SPICE Modeling

The SPICE diode model parameters are listed in Table 2.1. The series resistance, R, ,
results from the finite resistance of the semiconductor used in making the diode and the
contact resistance, the resistance resulting from a metal contact to the semiconductor. At
this point, we are only concerned with the resistance of the semiconductor. For a
reverse-biased diode, the depletion layer width changes, increasing for larger reverse
voltages (decreasing both the capacitance and series resistance, of the diode). However,
when we model the series resistance, we use a constant value. In other words, SPICE will
not show us the effects of a varying Rq.
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Example 2.4

Using SPICE, explain what happens when a diode with a carrier lifetime of 10 ns
is taken from the forward-biased region to the reverse-biased region. Use the
circuit shown in Fig. 2.18 to illustrate your understanding.

1k
NN\
+10 Ip +
Vin Vb

Figure 2,18 Circuit used in Ex. 2.4 to demonstrate simulation of a
diode's reverse recovery time.

We assume a zero-bias depletion capacitance of 1 pF. The SPICE netlist used to
simulate the circuit in Fig. 2.18 is shown below.

*** Figure 2.19 CMOS: Circuit Design, Layout, and Simulation ***

.control

destroy all

run

let id=-i(vin)*1k

plot vd vin id

.endc

D1 vd 0 Dtrr

R1 vin vd 1k

Vin vin 0 DC 0 pulse 10-10 10n .1n .1n 20n 40n

.Model Dtrr D is=1.0E-15 tt=10E-9 cj0=1E-12 vj=.7 m=0.33
.tran 100p 25n
.end

Figure 2.19 shows the current through the diode (/,, ), the input voltage step (V,,),
and the voltage across the diode (V).

What’s interesting to notice about this circuit is that current actually flows
through the diode in the negative direction, even though the diode is forward
biased (has a forward voltage drop of 0.7 V). During this time, the stored minority
carrier charge (the diffusion charge) is removed from the junction. The storage
time is estimated using Eq. (2.20)

9.3+10.7

ts=10ns - In =6.25ns

which is close to the simulation results. Note that the input pulse doesn’t change
until 10 ns after the simulation starts. This ensures a steady-state condition when
the input changes from 10to-10 V. ®
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RC Circuit Review

Figure 2.21 shows a simple RC circuit driven from a voltage pulse. If the input pulse
transitions from 0 to ¥, at a time which we’ll call zero, then the voltage across the

capacitor (the output voltage) is given by
Voul() = Vpulse(l - e_r/RC) (2.22)

The time it takes the output of the RC circuit to reach 50% of ¥, (defined as the
circuit’s delay time) is determined using

Vpulse

2

The rise time of the output pulse is defined as the time it takes the output to go from 10%
of the final voltage to 90% of the final voltage (V,,,,)- To determine the rise time in terms
of the RC time constant, we can write

0.1 Vpulse = pulse(l - e*l[o%/RC) (224)

= Vpuise(1 —e¥RC) > 1, 0.7RC (2.23)

ulse:

and

0.9V pusse = Vpuise(1 — e~*50%/FCYy (2.25)
Solving these two equations for the rise time gives

1y = tooy ~ tow = 2.2RC (2.26)

We will use these results offen when designing digital circuits. It’s important that any
electrical engineer be able to derive Egs. (2.23) and (2.26).

Input pulse
; R
in out
Vpulse
0-9Vpulse e T
input pulse c e i~ ,
0 t[:) Vp 05V puise I ! Output pulse
pulse 0.1 Vpulse ——— oo - ! >
07 0\: ! ! i
s ! time
Delay time/i__,:
ta=0.7RC " Rise time
tr=2.2RC

Figure 2.21 Rise and delay times in an RC circuit.

Distributed RC Delay

The n-well resistor seen in Fig. 2.20 is an example of a distributed RC circuit (not a
single, RC like the one seen in Fig. 2.21). In order to estimate the delay through a
distributed RC, consider the circuit seen in Fig. 2.22. The delay to node A is estimated
using

ta1 = 0.7R sguare Cguare (2.27)
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in R:quare A quuare B R:quﬂre C . . . R:quare out
T T VT
C

g quuare g quuare g square g C:quare

Figure 2.22 Calculating the delay through a distributed RC delay.

The delay to node B is the sum of the delay to point A plus the delay associated with
charging the capacitance at node B through 2R

square or
tig = 0.7(quuare quuare + 2quuarecsquare) (2.28)
Similarly, the delay to node C is
tac = 07(R square C:quare +2R square C:quare + 3quuare quuare) (2 ‘29)

For a large number of sections, / , we can write the overall delay through the distributed
RC delay as

t4=0.7RsguareCsquare - (1 +2+3 +4+ ..+ 1) (2.30)

The term in parentheses can be written as

(1+2+3+4+..,+1)=@ @231
and so for a large number of sections /

ta~035- quuarecsquare 2 (232)
where the R and C are the resistance and capacitance of each square of the

square square

distributed RC line.

Example 2.5

Estimate the delay through a 250 kQ resistor made using an n-well with a width of
10 and a length of 500. Assume that the capacitance of a 10 by 10 square of n-well
to substrate is 5 fF. Verify your answer with SPICE.

We can divide the n-well up into 50 squares each having a size of 10 by 10 and a
resistance of 5 kQ. The delay through the resistor is then (remembering 1 femto =
1 0—15)

ta =035 (5k)- (5) - (50)? ~ 22 ns

Note that the total resistance value is Rgguare - / While the total capacitance of the
resistor to substrate i Csquare - /. We can use this result to quickly estimate the
delay of a distributed RC line (sometimes called an RC transmission line) as

ts=0.35 - (total resistance) - (total capacitance) (2.33)

The simulation results are seen in Fig. 2.23. A SPICE lossy transmission line was
used to model the distributed effects of the resistor. B
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v —oout —vin in *** Figure 2.23 CMOS: Circuit Design,
1.0 & Layout, and Simulation ***
| .control
| destroy all
0.6 ‘ run
y plot vin vout
04 / \ out .endc
.tran 100p 100n

A

01 Vin 0 Vout 0 TRC

40.0 60.0 80.0 100.0

! i - Rload Vout 0 1G

| 22ns time Vin vin 0 DC 0 pulse 0 1 5n 0
> .model TRC Itra R=5k C=5f len=50
" ' .end

Figure 2.23 SPICE simulations showing the delay through an n-well
resistor.

Distributed RC Rise Time

A similar analysis to what was used to arrive at Eq. (2.32) can be used to determine the
rise time through a distributed RC line. The result is

tr=1.1 'quuarecsquare -2 (2.34)

Using this equation in Ex. 2.5 results in an output rise time of approximately 69 ns.
Comparing this estimate to the simulation results in Fig. 2.23, we see good agreement.

2.6 Twin Well Processes

Before going too much further, let’s summarize some of the layout discussions presented
in this chapter and discuss some concerns. Examine the cross-sectional views seen in Fig.
2.24. We know that the body of an NMOS transistor is p-type, while the body of a PMOS
device is n-type. In the n-well process, Fig. 2.24a, the NMOS are fabricated directly in the
p-type substrate and the PMOS are made in the n-well. For a p-well process, Fig. 2.24b,
the NMOS are made in the p-well while the PMOS are fabricated in the n-type substrate.
Note that sometimes the term tub is used in place of well (e.g., an n-tub process) because
the resulting semiconductor area has a cross-sectional view like a bathtub’s.

When implanting the n-well, in Fig. 2.24a for example, the substrate must be
counter-doped. This means that the p-substrate must have n-type dopants (such as
phosphorous or arsenic) added until its concentration changes from p- to n-type. The
problem with counter-doping the p-substrate to make an n-well is that the quality of the
resulting semiconductor isn’t as good as it would be by simply taking intrinsic silicon and
adding donor atoms. The acceptor atoms in the p-substrate become ionized (e.g.,
electrons fall into the holes) increasing scattering and reducing mobility. Sometimes the
effects of counter doping are called excessive doping effects. In an n-well process, the
PMOS devices suffer from excessive doping and so the quality of the device isn’t as good
as the quality of a PMOS device in a p-well process. For example, a PMOS device
fabricated in an n-well is slower than a PMOS device fabricated in an n-substrate.

IPR2023-00698
Theta EX2019



Chapter 2 The Well 53

(a) n-well process

p-substrate

W
(b) p-well process

n-substrate

(c) Twin-well process

p- or n-substrate (lightly doped)

.Wcll w
(d) Triple-well process
n-welll using p-substrate

p-substrate (lightly doped)

Figure 2.24 The different possible wells used in a bulk CMOS process.

In an attempt to reduce excessive doping effects, a twin-well process, Fig. 2.24c,
can be used. When using a lighter doped substrate, the amount of counter doping isn’t as
significant. We don’t use an intrinsic silicon substrate because it is difficult to control the
doping at such low levels. If a p-substrate is used, then the p-well is electrically connected
to the substrate. The bodies of the NMOS are then all tied to the same potential, usually
ground. To allow the bodies of the MOSFETS to be at different potentials a triple-well
process can be used, Fig. 2.24d. The added n-well isolates the p-well from the substrate
(the n-welll and p-substrate form a diode that electrically isolates the p-well from the
substrate). The p-well can exist directly in the substrate too.

Design Rules for the Well

Figure 2.25 shows the design rules, from MOSIS, for the well. Notice that there are four
different sets of rules that the layout designer can follow. In this book we will use the
CMOSedu rules to illustrate design examples. Before saying why, let’s provide a little
history and background. We know from Ch. 1 that MOSIS collects chip designs from
various sources (education, private, not-for-profit, etc). These designs are put together to
form the masks used for making the chips (on multiproject wafers). The actual vendors
used by MOSIS to fabricate chips has changed throughout the years. To make the layouts
transferable as well as scalable between different CMOS processes, MOSIS came up with
the so-called SCMOS rules (scalable CMOS design rules). A parameter, A, is used in the
rules. All of the layouts are drawn on a A grid. When making the GDS file (or CIF file),
the layout is scaled by this factor. For example, if an n-well box is drawn 10\ by 10A with
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PROBLEMS

21

2.2

23

24

For the layout seen in Fig. 2.27, sketch the cross-sectional views at the places
indicated. Is there a parasitic pn junction in the layout? If so, where? Is there a
parasitic bipolar transistor? If so, where?

Cross-section

Cross-section

|
|
'
1
'
'
'
'
'
1
'
1
1
.
I

Figure 2.27 Layout used in problem 2.1.

Sketch (or use a layout tool) the layout of an n-well box that measures 100 by 10.
If the scale factor is 50 nm, what is the actual size of the box after fabrication?
What is the area before and after scaling? Neglect lateral diffusion or any other
fabrication imperfections.

Lay out a nominally 250 kQ resistor using the n-well in a serpentine pattern
similar to what’s seen in Fig. 2.28. Assume that the maximum length of a segment
is 100 and the sheet resistance is 2 kQ/square. Design rule check the finished
resistor. If the scale factor in the layout is 50 nm, estimate the fabricated size of
the resistor.

If the fabricated n-well depth, ¢, is 1 pm, then what are the minimum, typical, and
maximum values of the n-well resistivity, p? Assume that the measured sheet
resistances (minimum, typical, and maximum) are 1.6, 2.0, and 2.2 k€2/square?
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2.5

2.6

2.7

2.8

Figure 2.28 Layout of an n-well resistor using a serpentine pattern.

Normally, the scale current of a pn junction is specified in terms of a scale current
density, J, (A/m®), and the width and length of a junction (i.e., I, = J,L-W-scale’
neglecting the sidewall component). Estimate the scale current for the diode of
Ex. 23 ifJ =107 A/m%.

Repeat problem 2.5, including the sidewall component (I, = J -L-W-scale® +
J(2L+2WY-scale-depth).

Using the diode of Ex. 2.3 in the circuit of Fig. 2.29, estimate the frequency of the
input signal when the AC component of v, is 707 uV (i.e., estimate the 3 dB
frequency of the |v,_,/v,|).

2A%WA ¢ Vout
10k
v n-well
Vin
1l mV Substrate

Figure 2.29 Treating the diode as a capacitor. See Problem 2.7.

Verify the answer given in problem 2.7 with SPICE.
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29

2.10

2.11

2.12

213

2.14

2.15

Using SPICE, show that a diode can conduct significant current from its cathode
to its anode when the diode is forward biased.

Estimate the delay through a 1 MQ resistor (10 by 2,000) using the values given
in Ex. 2.5. Verify the estimate with SPICE.

If one end of the resistor in problem 2.10 is tied to +1 V and the other end is tied
to the substrate that is tied to ground, estimate the depletion capacitance (F/m?)
between the n-well and the substrate at the beginning, the middle, and the end of
the resistor. Assume that the resistance does not vary with position along the
resistor and that the scale factor is 50 nm, C,, = 25 aF for a 10 by 10 square, m =
0.5,and V,,= 1.

The diode reverse breakdown current, that is, the current that flows when |V, | <
BV (breakdown voltage), is modeled in SPICE by

Ip=1IBV-e ¥+ BV

Assuming that 10 nA of current flows when the junction starts to break down at
10 V, simulate, using a SPICE DC sweep, the reverse breakdown characteristics
of the diode. (The breakdown voltage, BV, is a positive number. When the diode
starts to break down —BV = V,,. For this diode, breakdown occurs when ¥, =-10
V)

Repeat Ex. 2.3 if the n-well/p-substrate diode is 50 square and the acceptor doping
concentration is changed to 10'* atoms/cm®.

Estimate the storage time, that is, the time it takes to remove the stored charge in a
diode, when t,=5ns, V=5V, V,=-5V, C;=0.5 pF, and R = 1k. Verify the
estimate using SPICE.

Repeat problem 2.14 if the resistor is increased to 10k. Comment on the
difference in storage time between using a 1k and a 10k resistor. What dominates
the increase the diode's reverse recovery time when using a 10k resistor instead of
a 1k resistor?
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3.1.1 Laying Out the Pad |

The basic size of the bonding pad specified by MOSIS is a square 100 pm x 100 pm
(actual size). For a probe pad, used to probe the circuit with a microprobe station, the size
should be greater than 6 pm x 6 pm. In production chips the pads may vary in size (e.g.,
75 x 100, or 50 x 75, etc.) depending on the manufacturer’s design rules. The final size of
the pads are the only part of a layout that doesn’t scale as process dimensions shrink.
The layout of a pad that uses metal2 is shown in Fig. 3.2. Notice, in the cross-sectional
view, the layers of insulator (SiO, in most cases) under and above the metal2. These
layers are used for isolation between the other layers in the CMOS process.

Layout or top view 100 pm (final size)

Metal2 v Top of the wafer

< > or die
Cross-sectional view\/ 100 pm (final) (

r 1 Insulator
Insulator
Insulator

FOX

p-substrate

Figure 3.2 Layout of metal2 used for bonding pad with associated cross-sectional view.

Capacitance of Metal-to-Substrate

Before proceeding any further, we might ask the question, “What is the capacitance from
the metal2 box (pad) in Fig. 3.2 to the substrate?” The substrate is at ground potential and
so, for all intents and purposes, it can be thought of as an equipotential plane. This is
important because we have to drive this capacitance to get a signal off the chip. Table 3.1
gives typical values of parasitic capacitances for a CMOS process. Consider the following
example.

Example 3.1
Estimate the parasitic capacitance associated with the pad in Fig. 3.2.

The capacitance associated with this pad is the sum of the plate (or bottom)
capacitance and the fringe (or edge) capacitance. We can write

Cradmr—sub = area - Cpjae + perimeter - Cpringe 3.1)
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The area of the pad is 100 um? square (100 pm by 100 pm), while the perimeter of
the pad is 400 um. Using the typical values of capacitance for metal2 to substrate
in Table 3.1 gives

Cpadmr—sup = 10,000 - 14 aF +400 - 81 aF = 172,400 aF' = 172.4 fF = 0.172 pF

A significant on-chip capacitance. B

Table 3.1 Typical parasitic capacitances in a CMOS process. Note that while the physical
distance between the layers decreases, as process technology scales downwards, the
dielectric constant used in between the layers can be decreased to keep the parasitic
capacitances from becoming too significant. The values are representative of the
parasitics in both long- and short-channel CMOS processes.

Plate Cap. aF/um’ | Fringe Cap. aF/um

min typ max min typ max
Poly1 to subs. (FOX) 53 58 63 85 88 92
Metall to polyl 35 38 43 84 88 93
Metall to substrate 21 23 26 75 79 82
Metall to diffusion 35 38 43 84 88 93
Metal2 to polyl 16 18 20 83 87 91
Metal2 to substrate 13 14 15 78 81 85
Metal2 to diffusion 16 18 20 83 87 91
Metal2 to metall 31 35 38 95 100 104

Example 3.2

The pad layout in Fig. 3.2 is the actual size. However, when we lay out the pad
with the other circuit components, it must also be scaled when the layout is
streamed out (see Sec. 1.2.3). If the scale factor in a design is 50 nm, what is the
size of the box used for a pad that we draw with the layout program? Does the
capacitance calculated in Ex. 3.1 change?

Because we want a final pad size of 100 um by 100 pm, the drawn layout size of
the box with a scale factor of 50 nm is

100 pm

0.05 pm =2,000 (drawn size)

Each side of the pad, in Fig. 3.2, is drawn with a size of 2,000 for a final (actual)
size of 100 um by 100 pm.

The capacitance calculated in Ex. 3.1 doesn’t change. We can rewrite Eq. (3.1)
as

2 ,
Cpadm2-ssub = AreQAdrawn - (scale)” - Cpiae + perimeter grawn - (scale) - Cpinge (3.2)

to use the drawn layout size. At this point there should be no confusion between
the terms “drawn layout size” and “actual or final layout size.” B
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Passivation

Because an insulator is covering the pad (the piece of metal2) in Fig. 3.2, we can’t bond
(connect a wire) to it. The top layer insulator on the chip is also called passivation. The
passivation helps protect the chip from contamination. Openings for bonding pads are
called cuts in the passivation. To specify an opening or cut in the glass (insulator)
covering the metal2, we use the overglass layer. The MOSIS rules specify 6 um distance
between the edge of the metal2 and the overglass box, as seen in Fig. 3.3. The drawn
distance between the smaller overglass box and the larger metal2 box, with a scale factor
of 50 nm, is 6/0.05 or 120.

There may be another layer in the MOSIS setups for the layout tool called the
PAD layer. This layer has no fabrication significance but rather is used by the machine
that bonds the chip to the lead frame to indicate the location of the pads. Since MOSIS
takes designs of varying sizes and shapes, the locations of the pads change from one
project to the next. This layer isn’t really necessary since we can use the overglass layer
(ensuring the overglass box has a drawn size of 1,760 square or a final size of 88 pum
square) to indicate the location of the pads. We won’t use the PAD layer in our layouts
here.

An Important Note

Here we are using a CMOS process with (only) two layers of metal. In most modern
CMOS processes, more than two layers of metal are used. If the process has five layers of
metal, then the top layer (just like the top floor in a five-story building) is metal5.
Therefore, metal$ is the layer the bonding wire is connected to.

Overglass layer

Spacing between | —

OVGL layer and metal2 Sl

exactly 6 pm or a drawn

distance of 120 2,000 (drawn)

Metal2 ————>

2,000 (drawn) Irogi(e)f the wafer

Overglass openin
? £ pente 1 Insulator

Insulator
Insulator

Figure 3.3 Layout of a metal2 pad with pad opening for bonding connection
in a 50 nm (scale factor) CMOS process.

IPR2023-00698
Theta EX2019



IPR2023-00698
Theta EX2019



IPR2023-00698
Theta EX2019



IPR2023-00698
Theta EX2019



IPR2023-00698
Theta EX2019



Chapter 3 The Metal Layers 67

The capacitance from metal2 to metall was calculated as 209 aF. The capacitance
from metall to substrate is given by

Ciswr =100 (0.05)? - (23)+40- (0.05) - 79 = 164 aF

The equivalent schematic is shown in Fig. 3.9. Since charge must be conserved
we can write

Crz- (A Vmetalz — AVmemll) = Clrsub * AVmeran
The change in voltage on C|,, (metall) is then given by

_ _Co . Co 209 _
AV metan = AV mears Ciz + Crswp =l oo Crous 209+ 164 =360my

A VmetalZ | Cl 2 AV
; metall

g Clsub

Figure 3.9 Equivalent circuit used to calculate the change in metall voltage, see Ex. 3.5.

0

A displacement current flows through the capacitors, causing the potential on
metall to change by 560 mV. This may seem significant at first glance. However,
one must remember that most metal lines in a CMOS circuit are being driven
from a low-impedance source; that is, the metal is not floating but is being held at
some potential. This is not the case in some dynamic circuits or in circuits with
high-impedance nodes or long metal runs. Figure 3.10 shows the SPICE
simulation results and netlist. Notice how we used the “use initial conditions”
(UIC) in the transient statement. This sets all nodes that aren’t driven by a source
to, initially (at the beginning of the simulation), zero volts. Note that older
versions of SPICE don’t recognize “a” as atto so we used “e-18.” B

** Figure 3.10 CMOS: Circuit Design,

AVmean  AVmeran Layout, and Simulation ***

— vaetal? — vmetall

1.0 .control

destroy all

/ \‘ run
| plot vmetal2 vmetal1
.endc

// .tran 10p 5n UIC

) To 2.0 3.0 .:., 5o vmetal2 vmetal2 0 DC 0 puise 0 1 2n 1n

time nS

C12 vmetal2 vmetal1 209e-18
C1sub vmetal1 0 164e-18

.end

Figure 3.10 Simulating the operation of the circuit in Fig. 3.9.
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3.2.3 Current-Carrying Limitations

Now that we have some familiarity with the metal layers, we need to answer the question,
“How much current can we carry on a given width or length of metal?” The factors that
limit the amount of current on a metal wire or bus are metal electromigration and the
maximum voltage drop across the wire or bus due to the resistance of the metal layer.

A conductor carrying too much current causes metal electromigration. This effect
is similar to the erosion that occurs when a river carries too much water. The result is a
change in the conductor dimensions, causing spots of higher resistance and eventually
failure. If the current density is kept below the metal migration threshold current density,
J,;» metal electromigration will not occur. Typically, for aluminum, the current threshold
for migrationJ,,is 1 — 2 %

Example 3.6

Assuming a scale factor of 50 nm, estimate the maximum current a piece of
metall with a drawn width of 3 can carry. Also estimate the maximum current a
100 by 100 pm® bonding pad can receive from a bonding wire. Assume that the
metal wires are fabricated in aluminum.

The actual width of the metall wire in this example is 150 nm. Assuming that J,,
=1 %, the maximum current on a 0.15 pm wide aluminum conductor is given by

Imax =Ja1- W=1073-0.15=150 p4
The maximum current through a bonding pad is then 100 mA. B

Example 3.7

Estimate the voltage drop across the conductor discussed in the previous example
when the length of the conductor is 1 cm and the current flowing in the conductor
is 150 pA (7).

The sheet resistance of metall is 0.1 Q/square. The voltage drop across a metall
wire that is 3 (0.15 pm) wide and 10,000 pm (1 c¢m) long carrying 150 pA is
10,000
0.15
or a significant voltage drop. If this conductor were used for power, we would

want to increase the width significantly; however, if the conductor is used to route
data, the size may be fine. B

Varop = (0.1 Q/square) - 1504 =1V

In general, the higher levels of metal (metal2, metal3, etc.) should be used for
power routing. Metal2 is approximately twice as thick as metall and, therefore, has a
lower sheet resistance. Metal3 is thicker than metal2, etc. When routing power, the more
metal that is used, the fewer problems, in general, that will be encountered. If possible, a
ground or power plane should be used across the entire die (entire levels of metal are used
for VDD and ground). The more capacitance between the power and ground buses, the
harder it is to induce a voltage change on the power plane; that is, the DC voltages will
not vary.
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72 CMOS Circuit Design, Layout, and Simulation

simple manner is useful in most cases. Determining C, experimentally proceeds by
applying a step voltage to one conductor while measuring the coupled voltage on the
adjacent conductor. Since we know the capacitance of any conductor to substrate (see
Table 3.1), we can write

C

AV=V, —2
4 Cm+clsub

(3.6)
where AV is the coupled noise voltage to the adjacent conductor and C,, is the
capacitance of the adjacent conductor (in this case metall) to ground (the substrate).

The adjacent metal lines shown in Fig. 3.16 also exhibit a mutual inductance. The
effect can be thought of as connecting a miniature transformer between the two
conductors. A current flowing on one of the conductors induces a voltage on the other
conductor. Measuring the mutual inductance begins by injecting a current into one of the
conductors. The voltage on the other conductor is measured. The mutual inductance is
determined using

dly
dt

where [, is the injected (time-varying) current (the input signal), ¥, is the induced voltage
(the output signal), and L , is the mutual inductance.

Vi =Ln 3.7

Crosstalk can be reduced by increasing the distance between adjacent conductors.
In many applications (e.g., DRAM), the design engineer has no control over the spacing
(pitch) between conductors. The circuit designer then attempts to balance the signals on
adjacent conductors (see, for example, the open and folded architectures in Ch. 16
concerning DRAM design).

3.3.2 Ground Bounce
DC Problems

Consider the schematic seen in Fig. 3.17a. In this schematic a circuit is connected to VDD
and ground through two wires measuring 10,000 um (10 mm) by 150 nm (with a
resistance of 6.67 kQ). Next consider, in (b), what happens if the circuit starts to pull a
DC current of 50 pA. Instead of the circuit being connected to a ¥DD of 1 V the actual
VDD drops to 667 mV. Further, the actual “ground” connected to the circuit increases to
333 mV. The voltage dropped across the circuit is the difference between the applied
VDD and ground or only 333 mV (considerably less than the ideal 1 V). The obvious
solution to making the supplied ¥DD and ground move closer to the ideal values is to
increase the widths of the conductors supplying and returning currents to the circuit. This
reduces the series resistance. The key point here is that ¥DD and ground are not fixed
values; rather, they can vary depending how the circuit is laid out.

AC Problems

It is common, in CMOS circuit design, for a CMOS circuit to draw practically zero
current in a static state (not doing anything). This is why, for example, it’s possible to use
solar power in a CMOS-based calculator. In this situation, conductors with small widths,
as those in Fig. 3.17, may be fine. However, consider what happens if the circuit, for a
short time, pulls 50 pA. As discussed above, the ground bounces up and VDD droops
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1

L Ideally ¥DD
— 10 mm of metall 150 nm wide’—l e
VDD
VDD f) Circuit (a)
ground
- ~
1—| 10 mm of metall 150 nm wide Ideally ground (= 0 V)
A4 -
1
50 pA
Pad ORA -~ 667mV (not 1V)
W £
6.67k [
VDD I
v Circuit =7 ®)
ground !
Pad VS %333 mv (noto )
%
50 A

Figure 3.17 Illustrating problems with incorrectly sized conductors.

down during this short time. The average current supplied by VDD may be well under a
microamp; however, the occasional need for 50 pA still creates or causes problems. To
circumvent these, consider adding an on-chip decoupling capacitor physically at the
circuit between VDD and ground (see dotted lines in Fig. 3.17b). The added capacitor
supplies the needed charge during the transient times and keeps the voltage applied across
the circuit at VDD. Note that a decoupling capacitor should be used external to the chip as
well. The capacitor is placed across the VDD and ground pins of the chip.

Example 3.9

Suppose that the circuit in Fig. 3.17b needs 50 uA of current for 10 ns. Estimate
the size of the decoupling capacitor required if the voltage across the circuit
should change by no more than 10 mV during this time.

We can write the charge supplied by the capacitor as
Q=1-At=(50 pd)- 10 ns = 500 x 107> Coultumbs

The decoupling capacitor must supply this charge

~15
AV-C=Q—)C2%/=%=50?OX—’”1?/—>C2501JF (3.8)

A reasonably large capacitor. B
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Example 3.10
To drive off-chip loads, an output buffer (see Ch. 11) is usually placed in between
the on-chip logic and the large off-chip load, Fig. 3.18. If ¥DD is 1 V and it is
desirable to drive the 30 pF off-chip load in Fig. 3.18 to 900 mV in 1 ns, estimate
the size of the decoupling capacitor required. Assume that ground variations are
not a concern.

VDD Decoupling C

On-chip z;z Qut Off-chip

g?}OpF

Figure 3.18 Estimating the decoupling capacitance needed in an output buffer.

The charge supplied to the 30 pF capacitor (the load capacitance) by the output
buffer is

Q= (900 mV)- (30 pF) =27 pC

This charge is supplied by the decoupling capacitor (assuming that the conductors
powering the buffer are narrow). Initially, the decoupling capacitor is charged to
VDD (1 V). If VDD (actually the voltage across the decoupling capacitor) drops to
900 mV, then using Eq. (3.8) we can calculate the size of decoupling capacitor as

. 21pC
=100 mv

Not a practical value for an on-chip capacitor in most situations. The solution to
this problem is to supply ¥DD and ground to the output buffers through wide
conductors. Often separate power and ground pads (and very wide wires) are used
to power the output buffers separately from the other on-chip circuitry. Using
separate pads reduces the size of the decoupling capacitor required and eliminates
the noise (ground bounce and ¥DD droop) from interfering with the operation of
the other circuitry in the chip. Off-chip decoupling capacitors should still be used
across the power and ground pins for the output buffers.

Note that if this buffer is running at 500 MHz (a clock period of 2 ns), the
average current supplied to the load is

=270 pF 1!

27 pC
Iavg = 2 s =13.5mA

A significant value for a single chip output. B
A Final Comment

It should be clear that some thought needs to go into the sizing of the metal layers and the
number of vias used when transitioning from one metal layer to the next. Ignoring the
parasitics associated with the wires used in an IC is an invitation for disaster.
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3.4 Layout Examples

In this section we provide some additional layout examples. In the first section we discuss
laying out a pad and a padframe. In the following section we discuss laying out test
structures to measure the parasitics associated with the metal layers.

3.4.1 Laying out the Pad Il

Let’s say we want to lay out a chip in a 50 nm process. Further let’s say that the final die
size (chip size) must be approximately 1 mm on a side with a pad size of 100 um square
(again, the pads can be smaller depending on the process). From the MOSIS design rules,
the distance between pads must be at least 30 pm. Further let’s assume a two-metal
process (so metal2 is the top layer of metal the bonding wire drops down on). Table 3.2
summarizes the final and scaled sizes for our pads.

Table 3.2 Sizes for an example 1 mm square chip with a scale factor of 50 nm.

Final size Scaled size
Pad size 100 pm by 100 um 2,000 by 2,000
Pad spacing 130 um 2,600

(center to center)

Number of pads on a 6 6

side (corners empty)

Total number of pads 24 24
Overglass opening 88 um by 88 um 1,760 by 1,760

Let’s start out by laying out a cell called “vial” like the one seen in Fig. 3.13. The
resulting cell is seen in Fig. 3.19. We’ll use this cell in our pad to connect metall to
metal2. The bond wire will touch the top metal2. However, we’ll place metall directly
beneath the metal2 so that we can connect to the pad using either metall or metal2. The
layout of the pad is seen in Fig. 3.20. The spacing between the pads is a minimum of 30
pm. We use an outline layer (no fabrication significance) to help when we place the pads
together to form a padframe. We’ve assumed the distance from the pad metal to the edge
of the chip is 15 um.

Figure 3.21 shows the detail of how the overglass layer is placed in the pad metal
area. Also seen in Fig. 3.21 is the placement of the vial cell in Fig. 3.19 around the
perimeter of the pad. This ensures metall is solidly shorted to metal2, Fig. 3.22.

Next let’s calculate, assuming we want a chip size of approximately 1 mm on a
side, the number of pads we can fit on the chip. The size of the pad in Fig. 3.20 is 130 pm
square. To determine the number of pads we take the length of a side and divide by the
size of a pad or

_ 1mm_ _
# of pads = 130Hm~8 3.9

However, the corners don’t contain a pad so the actual number of pads on a side is six as
seen in Fig. 3.23. The CMOS circuits are placed in the area inside the padframe, while
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3.11

3.12

Lay out the padframe specified by the information in Table 3.2. Assume a 3 metal
CMOS process is used. Comment on how the scale factor affects the (drawn)
layout size.

Propose, and lay out, a test structure to measure the sheet resistance of metal3.
Comment on the trade-offs between accuracy and layout size. Using your test
structure provide a numerical example of calculating sheet resistance for metal3.
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Chapter

The Active and Poly Layers

The active, n-select, p-select, and poly layers are used to form n-channel and p-channel
MOSFETs (NMOS and PMOS respectively) and so metall can make an ohmic contact to
the substrate or well. The active layer, in a layout program, defines openings in the silicon
dioxide covering the substrate (see Figs. 2.3 and 2.4). The n-select and p-select layers
indicate where to implant n-type or p-type atoms, respectively. The active and select
layers are always used together. The active defines an opening in the oxide and the select
then dopes the semiconductor in the opening either n-type or p-type.

The poly layer forms the gate of the MOSFETs. Poly is a short name for
polysilicon (not to be confused with the poly, or polygon, object in a layout program).
Polysilicon is made up of small crystalline regions of silicon. Therefore, in the strictest
sense, poly is not amorphous silicon (randomly organized atoms), and it is not crystalline
silicon (an orderly arrangement of atoms in the material) such as the wafer.

4.1 Layout using the Active and Poly Layers

We’ve covered the following fabrication layers in Chs. 2 and 3: n-well, metall, vial,
metal2, and overglass. In this section we cover the following additional fabrication layers:
active, n-select, p-select, polyl, silicide block, and contact.

The Active Layer

Examine the layout of a box and the corresponding angled view (the fabrication results)
seen in Fig. 4.1. The box is drawn on the active layer and indicates where to open a hole
in the field oxide (FOX). These openings are called active areas. The field area (the area
that isn’t the active area, which is the area where the FOX is grown) is used for routing
wires (connecting the circuit together). The MOSFETS are fabricated in the bulk (the
p-substrate or the n-well) in these active openings. The FOX is used to isolate the devices
from one another (the active areas are isolated by the FOX). Note that there will be some
resistive connection between active areas (either through the substrate or the n-well).
However, the FOX is grown thick enough to keep the interactions between adjacent
active areas to a minimum.
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1 N

(a) NMOS device with (b) PMOS device with
body tied to ground. body tied to VDD.
(c) Bipolar-derived NMOS symbol (d) Bipolar-derived PMOS symbol
with body tied to ground. with body tied to VDD.
(e) NMOS symbol where the arrow (f) PMOS symbol where the arrow
indicates the p-substrate to n-channel diode. indicates the n-well to p-channel diode.

Figure 4.14 Symbols commonly found in schematics to represent a MOSFET.

symbols seen in (e) and (f) are also used to draw schematics. The arrow in the bulk
terminal represents the p-substrate (or p-well) to n-channel diode (NMOS) or the
p-channel to n-well diode (PMOS).

Standard Cell Frame

When doing layout, it can be convenient to route power and ground as well as substrate
and well connections in a fashion that makes connecting the MOSFETSs together simpler.
We don’t have to worry about the substrate and well connections or the routing of power.
Towards this goal, consider the layout seen in Fig. 4.15a. The top half of the layout is an
n-well. This n-well is where PMOS devices are placed, as indicated in the figure. The top
of the n-well is tied to ¥DD through an n+ implant. In other words, the metal on the top
of the layout has n+ underneath it and is routed to the VDD pad. Below this layout of the
n+ well tie-down, and still in the n-well, is a p-select region. We can draw one or more
PMOS devices with active, poly, contacts, and metall and place them in this area. The
NMOS devices are laid out in the area below this, that is, the area of the n-select layer.
Below the NMOS area is the substrate connection, p+, to ground. The metal, at the
bottom of the layout, connects the p+ substrate contacts to the ground pad.

Figure 4.15b shows how the standard cell frames can be laid out end-to-end to
increase the area available for the layout of the MOSFETSs. Notice that the layout area is
increased horizontally and not vertically. Standard cell frames have a standard height.
Also notice how power, ground, well, and substrate connections are routed through the
cell. Finally, note that overlapping layout layers, like the n-well, is fine. It simply
indicates a larger layout area (of course the design rule check must be passed).
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100 CMOS Circuit Design, Layout, and Simulation

4.3 Electrostatic Discharge (ESD) Protection

A major concern in CMOS technology is the protection of the thin gate oxides, Fig. 4.3b,
from electrostatic discharge (ESD). While an in-depth presentation of techniques for
preventing ESD damage are outside the scope of this book, here we briefly show how the
active layers can be used to form a simple diode-protection structure.

Where does ESD come from? Walking across the floor, for example, causes the
buildup of charge on the human body. Touching a conducting object can result in a
transfer of charge or a static “shock.” If the transfer of this charge (the discharge of the
electrostatic charge buildup on the human body) is through the thin gate oxide (GOX) of
a MOSFET, it is likely that the GOX will be damaged. While we use the human body as
the location of the buildup of electrostatic charge, just about any object can build up
charge. To keep from damaging the GOX, consider the circuit seen in Fig. 4.17. Here we
connect two diodes to the input pad. If the signals applied to the pad are within ground
and VDD, neither diode turns on. However, if the voltage on the pad starts to increase
above VDD + 0.5 V or decrease below — 0.5 V, one of the diodes turns on and provides a
low impedance “clamp” to keep the voltage on the GOX from becoming excessive.

Diode made
sing the n-well/p+

Bonding VDD
pad ~ D2

/ D1
Diode made
using substrate/n+

Figure 4.17 Adding diodes to the pads to protect the MOSFET gates from ESD damage.

Layout of the Diodes

Examine the layout seen in Fig. 4.18. This layout shows a conceptual implementation of
the diode protection circuitry seen in Fig. 4.17. Diode, D1, is implemented using
p-substrate (for the anode) and n+ (for the cathode). The substrate is connected to ground
through a metall ground bus as seen in the figure. It is desirable to place the substrate
connection and n+ as close together as possible to minimize the resistance in series with
the diode. Further, it is desirable to increase the size of this n+/p+ diode to both reduce
the resistance of the diode and increase its current handling capability. The drawback of
increasing the size is the larger capacitive loading on the pad (the depletion capacitances
of the diodes). Diode D2 is implemented using p+ in the n-well (for the anode) and the
n-well (for the cathode). An n+ implant is needed in the n-well to provide a connection to
a wire that is connected to ¥DD. Again, the VDD is run through the pad on a bus (the
horizontal metal line connected to ¥DD at the bottom of the layout). Again, it’s desirable
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Chapter

Resistors, Capacitors, MOSFETs

This chapter provides more information and examples related to the layout of resistors,
capacitors, and MOSFETs. Layout using the poly2 layer and how poly2 is used to make
poly-poly capacitors will be covered. We’ll also introduce some fundamental layout
techniques including using unit cells, layout for matching, and the layout of long length
and wide MOSFETSs. The temperature and voltage dependence of resistors and capacitors
will also be covered.

5.1 Resistors

The resistors and capacitors in a CMOS process have values that change with voltage and
temperature. The change is usually listed as ppm/°C (parts per million per degree C). The
ppm/°C is equivalent to a multiplier of 10°/°C.

Temperature Coefficient (Temp Co)

As temperature goes up, so does the value of a resistor, Fig. 5.1 (in general). Generally,
the value of a resistor, R(Ty), is specified at room temperature, To. To characterize the
resistor we use

R(T)=R(To)-(1+ TCR1 - (T Ty)) (5.1)
R(T)

dR
R(To)-~{-======" slope =~

T, temperature C or K

Figure 5.1 Resistor's value change with temperature.
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where T is the actual temperature of the resistor. Because of the difference in the
equation, it doesn’t matter if Celsius or Kelvin are used for the units of T as long as the
units match the units used for T;. The first-order temperature coefficient of a resistor,
TCR1, is given by

1 4R
R dT
Notice that the TCR1 changes with temperature. For most practical applications, the
“temp co” is assumed to be linear. Typical values of TCR1 for different layers in the
CMOS process are given in Table 4.1. SPICE uses a quadratic, in addition to this first
order term, to model the temperature dependence of a resistor

R(T)=R(To) - [1 + TCR1 -(T—To) + TCR2 - (T-To)?] (5.3)

TCRI = (5.2)

For hand calculations, we assume TCR2 is 0.

Example 5.1

Using the values in Table 4.1, estimate the minimum and maximum resistance of
an n-well resistor with a length of 100 and a width of 5 over a temperature range
of 0 to 100 °C. Verify the hand calculations using SPICE.

The n-well resistor sheet resistance is approximately 500 Q/square (at 27 °C). The
value of the resistor in this example (20 squares) is 10 k at 27 °C. The temp co is
2400 ppm/°C (= 0.0024) The minimum resistance is then determined, using Eq.
(5.1) by

Ruin = 10,000 - [1+0.0024 - (0—27)] =9.35 kQ
and the maximum resistance is determined by

Rmax =10,000-[1+0.0024 - (100-27)] = 11.75 kQ
The SPICE simulations and netlist are shown in Fig. 5.2. B

Polarity of the Temp Co

We made the comment that in general the temp co of a resistor is positive, which means
that the resistor’s value increases with increasing temperature. In other words, the
resistivity of the silicon material used to fabricate the resistor increases with increasing
temperature. If we were to look at the electron concentration in an n-well as temperature
is increased, for example, we would see an exponential increase in the number of
thermally generated carriers. More carriers, less resistivity, right? Looking at the carrier
concentration alone, we would expect silicon’s resistivity to decrease with increasing
temperature. With the increase in the carrier concentration, however, we get a reduction
in the carrier’s mobility. The carrier-to-carrier interactions increase the scattering (the
average distance a carrier can travel before colliding with some other carrier decreases
with a larger number of free carriers). The material parameter “mobility” characterizes
how easily carriers can move through a material. The mobility of an electron or hole, p,
or p respectively, is a material parameter that relates the applied electric field across the
material to the velocity the carriers can drift through the material. High velocity indicates
that the carriers have high-mobility and can move through the material quickly. Mobility
is a measured parameter and is given by
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*** Figure 5.2 CMOS: Circuit Design, Layout, and Simulation ***

.control

destroy all

set temp=0

’“rt‘t 07 vr r1, L=5 W=100
set temp=:

run

set temp=100

run

let iref0=-dc1.i(vr)

let iref27=-dc2.i(vr) KOs 527 o

let iref100=-dc3.i(vr) 12.0;
let rO=vr/iref0 PR SO NSO EOUOTRUOU: S
let r27=vrliref27

let r100=vr/iref100

plot r0 r27 r100 105 !
.endc 10.0 T=27°C

T=100°C

.dcVvr0.91.11m i T=0°C
vrvrODCO 090 0.95 1.00 1.08 110

r1 vr 0 10k rmod L=5 W=100
.model rmod R RSH=500 TNOM=27 TC1=0.0024
.end

Figure 5.2 Simulating the temperature dependence of an n-well resistor.

Average velocity of carriers, cm/s
Applied electric field, Viem

Unp = (54)
noting mobility’s units are cm?/V-s. The resistivity of the material depends on the
number of free carriers (electrons/cm?, n, and holes/cm’, p) or

1
p=—"T—7
q(pnn + ppp)

where ¢ is the electron charge (see Egs. [2.2] and [2.3]). This equation is important and
shows why we can have a negative or positive resistor temperature coefficient. If the
mobilities decrease faster than the carrier concentrations increase, we get a positive temp
co. The resistor’s value goes up with increasing temperature because the mobility is
dropping faster than the carrier concentration is increasing. However, if the increase in
carrier concentration with temperature is faster, the resistivity goes down with increasing
temperature and we get a negative temp co (the resistor’s value goes down with
increasing temperature). At room temperature, a positive temperature coefficient is
normally observed.

(5.5)

Voltage Coefficient
Another important contributor to a changing resistance is the voltage coefficient of the
resistor given by

dr

1.
VCR—R av

(5.6)
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where V is the average voltage applied to the resistor, that is, the sum of the voltages on
each end of the resistor divided by two. The resistance as a function of voltage is then
given by

R(V)=R(Vo)-(1+VCR1 -(V = Vo) + VCR2 - (V = V)?) (5.7)

The value R(V,) is the value of the resistor at the voltage V. A typical value of VCR1 is
8000 ppm/¥ for an n-well resistor. The main contributor to the voltage coefficient is the
depletion layer width between the n-well and the p-substrate. The depletion layer extends
into the n-well, resulting in an effective change in the sheet resistance. The thickness of
the n-well available to conduct current decreases with increasing potential (reverse bias)
between the n-well and the substrate.

Example 5.2
Estimate the average resistance of an n-well resistor with a typical value of 10k at
27 °C, for an average voltage across the resistor of 0, 5, and 10 V.

R(0)= 10,000 - (1 +0.008 - 0) = 10 kQ
R(5)=10,000 - (1 +0.008 - 5) = 10.4 kQ
R(10) = 10,000 - (1 +0.008 - 10) = 10.8 k2

This is a small change compared to the change due to temperature. However, as
the next example will show, the change due to the applied voltage can have a
greater influence on the circuit performance than the temperature. B

Example 5.3
Compare the change in V,, in the following circuit due to the VCR with the
change due to the TCR.

R
+

+
Vin R> Vout

Figure 5.3 Comparing a resistive divider's temperature performance
to its voltage performance.

We start by writing the voltage divider equation and then substitute the
temperature or voltage dependence. For the temperature dependence

oy . RAD . R[U4TCRT-T)] _,, [ R2 ]
out = Vin RI(T)+R2(7)— in (R1+R2)-[1+TCR(T—TO)]— " LRI+R2
showing that the divider is independent of temperature. For the voltage
dependence

vy . RO, R2-(1+VCR- V)

T RI(VY+R2V) " R1-(1+VCR-Vi)+R2-(1+VCR- Vy)

where ¥y = LLFe4 and 7, = % These results show that the voltage divider has

no temperature dependence but that it does have a voltage dependence. B
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Chapter 5 Resistors, Capacitors, MOSFETs 111

Common-Centroid Layout

Common-centroid (common center) layout helps improve the matching between two
resistors (at the cost of uneven parasitics between the two elements). Consider the
arrangement of unit resistors shown in Fig. 5.7a. This interdigitated resistor is the same
layout style as just discussed in Fig. 5.6. Consider the effects of a linearly varying sheet
resistance on the overall value of each resistor. If we assign a normalized value to each
unit resistor, as shown, then resistor A has a value of 16 and resistor B has a value of 20.
Ideally, the resistor values are equal.

Next consider the common-centroid layout shown in Fig. 5.7b, noting that
resistors A and B share a common center. The value of either resistor in this figure is 18.
In other words, the use of a common center ABBAABBA) will give better matching than
the interdigitized layout (ABABABAB). Figure 5.8 shows the common-centroid layout
(two different possibilities) of four matched resistors. Note that common-centroid layout
can also improve matching in MOSFETs or capacitors.

A

A B A

1 2 3

(a) Interdigitated layout
Q/square
Variation of sheet resistance as a function of position. Distance

A : 3 A

A B B A A B 1A

1 2 3 4 5 7 8

Center

(b) Common-centroid layout

Figure 5.7 (a) Interdigitated layout and (b) common-centroid layout.
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Figure 5.8 Common-centroid layout of four matched resistors (or elements).

Example 5.4

Suppose that the nominal value of the unit resistor, A, on the left side of the
layouts in Fig. 5.7 is 5k (a nominal value because we know the actual sheet
resistance varies with process shifts and temperature). If the sheet resistance
linearly varies across the layout, from the left to the right, and the final resistor’s
value is 5.07k, compare the interdigitated layout to the common-centroid layout.

The farthest left resistor in the layout has a value of Sk (given). The second
resistor’s value, because of the linear variation in the sheet resistance from the left
to the right in the layout, is 5.01k. The third resistor’s value is 5.02k, etc. For the
interdigitated layout, the value of resistor A is

R4=5.0+5.02+5.04+5.06=20.12 kQ
and the value of resistor B is

Rp=5.01+5.03+5.05+5.07=20.16 kQ
For the common-centroid layout, resistor A’s value is

R4=5.0+5.03+5.04+5.07=20.14 kQ
and resistor B’s value is

Rp=5.01+5.02+5.05+5.06=20.14kQ
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Temperature Coefficient (Temp Co)

The first-order temperature coefficient of a capacitor, TCC, is given by

1 dc
C dr
A typical value of TCC for a poly-poly capacitor is 20 ppm/°C. Matching of large area

poly-poly capacitors on a die is typically better than 0.1% with good layout techniques.
The capacitance as a function of temperature is given by

TCC = (5.12)

C(T)=C(To)-[1+TCC-(T-Ty)] (5.13)
where C(T},) is the capacitance at 7.
Voltage Coefficient
The voltage coefficient of a capacitor is given by
=1.dC
vce = Car (5.14)

The voltage coefficient of the poly-poly capacitor is in the neighborhood of 10 ppm/V
(for a long-channel process). The capacitance as a function of voltage is given by

C(V)=C(Vo)-(1+VCC-V) (5.15)

where C(V,) is the capacitance between the two poly layers with zero applied voltage,
and Vis the voltage between the two plates.

5.3 MOSFETs

We introduced the layout of MOSFETS in the last chapter. In this section we discuss
some electrical parameters of interest and how to lay out MOSFETs to minimize
parasitics or with a long length or width.

Lateral Diffusion

When the drain and source regions are implanted, some of the implant dose laterally
diffuses out underneath the gate poly, as depicted in Fig. 5.13. If the drawn length is
called L we can write the effective length as

‘drawn ?
Leﬁ"ective = L drawn — 2Ld1ﬁ (516)

where L, is the length of the lateral diffusion. To minimize the lateral diffusion, a spacer
is normally deposited adjacent to the poly after a light implant (see Figs. 4.7f and g) and
before the heavy source/drain implants. This type of structure is called a lightly doped
drain (LDD).

Oxide Encroachment

There are also imperfections associated with the width of the MOSFET, Fig. 5.13. When
the active area is defined, Fig. 4.3, the FOX won’t be precisely patterned as specified by
the active mask layer. The oxide may encroach on the active area (called oxide
encroachment) and reduce the active opening area. The drawn width, W, , of the
MOSFET will be different from the effective width, W, by 2#,,.. To compensate for

oxide encroachment, the layout may be bloated before making the active mask.
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130 CMOS Circuit Design, Layout, and Simulation

the top string of Fig. 5.29 (on the left) has a value of 14 (6 + 8). The MSB 2R in the
bottom string (on the right) has a value of 24. Adding the values of the two resistors, by
connecting them in series, results in a resistor value of 38 (2R = 38 while R = 19). The
middle resistor value in the top string has a value of 12, while the bottom resistor has a
value of 7. Again, adding the two resistors results in a value of 19. Fundamentally, the
limiting factor in matching then becomes the voltage and temperature (because of the
different current densities through the resistors) coefficients of the resistors.

ADDITIONAL READING

[1] R. A. Pease, J. D. Bruce, H. W. Li, and R. J. Baker, “Comments on Analog
Layout Using ALAS!” IEEE Journal of Solid-State Circuits, vol. 31, no. 9,
September 1996, pp. 1364-1365.

[2] D. J. Allstot and W. C. Black, “Technology Design Considerations for Monolithic
MOS Switched-Capacitor Filtering Systems,” Proceedings of the IEEE, vol. 71,
no. 8, August 1983, pp. 967-986.

PROBLEMS
5.1 Suppose a current in a circuit is given by

Vrer
I= R
If the voltage, V,., comes from a precision voltage reference and doesn’t change
with temperature, determine the temperature coefficient of the current in terms of
the resistor’s temperature coefficient. If the resistor is fabricated using the n-well
plot, similar to Fig. 5.1, the current’s change with temperature. Use the TCRI
given in Table 4.1.

5.2 Suppose asilicided n+ resistor with a value of 100 Q is used. Using the data from
Table 4.1, sketch the layout and cross-sectional views of the resistor. The current
in the resistor flows mainly in the silicide. Suppose the mobility of free carriers in
the silicide is constant with increasing temperature. Would the temperature
coefficient of the resistor be positive or negative? Why?

5.3  Using a layout program, make a schematic and layout for the 1/5 voltage divider
seen in Fig. 5.4 if the resistor’s value is Sk. Use n-well resistors and DRC/LVS the
final layout and schematic.

54  Using a layout program, make a schematic and layout for an RC lowpass circuit
where the resistor’s value is 10k and the poly-poly capacitor’s value is 100 fF.
Use the 50 nm process (see Table 5.1). DRC/LVS the final layout and schematic.
Simulate the operation of the circuit with a pulse input (see Fig. 1.27).

5.5  Estimate the areas and perimeters of the source/drain in the layout seen in Fig.
5.18 if the length of the device, L, is 2 and the width of a finger, W, is 20.

5.6  Provide a qualitative discussion for the capacitances of the PMOS device similar
to the discussion associated with Fig. 5.21 for the NMOS device. Make sure the
descriptions of operation in the strong inversion and depletion regions are clear.
Draw the equivalent (to Fig. 5.21) figure for the PMOS devices.
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Chapter

MOSFET Operation

In this chapter we discuss MOSFET operation. Figure 6.1 shows how we define the
voltages, currents, and terminal designations for a MOSFET. When the substrate is
connected to ground and the well is tied to ¥DD, we use the simplified models shown at
the bottom of the figure. It is important to keep in mind that the MOSFET is a
four-terminal device and that the source and drain of the MOSFET are interchangeable.
Note that all voltages and currents are positive using the naming convention seen in the
figure. If we say “the V, of the MOSFET is...,” we know that we are talking about a
PMOS device. Also note, the drain current flows from the top of the symbol to the
bottom. For the NMOS, the drain is at the top of the symbol, while for the PMOS the
source is at the top of the symbol. The devices are complementary.

Drain Source
VSG VBS
Gate ? Substrate (bulk)
V Gate Well (bulk)
VGS — |+ SB
Source  NMOS Drain PMOS
Drain Source
vip + Vse + +
Gate Vs — Ve
V+ B Gate _
GS _ I
Source Drain
NMOS (substrate grounded) PMOS (well tied to VDD)

Figure 6.1 Voltage and current designations for MOSFETs in this chapter.
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Figure 6.4 The variation of the gate capacitance with DC gate-source voltage.

Example 6.1

Suppose the MOSFET configuration seen in Fig. 6.5 is to be used as a capacitor.
If the width and length of the MOSFET are both 100, estimate the capacitance
between the gate and the source/drain terminals. Use the long-channel process
oxide capacitance listed in Table 5.1. Are there any restrictions on the voltages we
can use across the capacitor?

Gate_{ [}— Source/drain
wyL = 100/100

Cox=Cly - W-L-(scale)*

—“_

Figure 6.5 Using the MOSFET as a capacitor.

Since the MOSFET is to be used as a capacitor, we require operation in the strong
inversion region, that is, ¥, >> V,,,, (the gate potential at least a threshold voltage
plus 5% of VDD above the source/drain potentials). The capacitance between the
gate and the source/drain is then Cyy = Cox = C,, - W- L or from Table 5.1

Ciot = (1.75 fFIum?)(100 wn)(100 pm) = 17.5 pF

Note that we did not concern ourselves with the substrate connection. Since we
are assuming strong inversion, the bulk (substrate) connection only affects the
capacitances from the drain/source to substrate (those of the source/drain implant
regions). We see, however, that the connection of the substrate significantly
affects the threshold voltage of the devices and thus the point we label strong
inversion. B
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C:b
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£ Source

Figure 6.6 MOSFET capacitances.

Summary

Figure 6.6 shows our MOSFET symbol with capacitances. Table 6.1 lists the capacitances
based on the region of operation (without a scale factor). The capacitance CGBO is the
capacitance associated with the gate poly extension over the field region (Fig. 5.13). The
gate-drain capacitance, C,, , and the gate-source capacitance, C,, , are determined by the
region of operation. For example, as we’ll see later, when the MOSFET operates in the
triode region, the inverted channel extends between the source and drain implants (the
channel resistively connects the source and drain together). The capacitance between the
gate and this channel is the oxide capacitance, C,. We assume that half of this
capacitance is between the drain and the other half is between the source.

Table 6.1 MOSFET capacitances.

Name Off Triode Saturation
C, |CGDO-W Y WL-C CGDO - W
Co  |Ci Ca Cpa
Cy Cl WLey+ CGBO - L CGBO-L CGBO-L
c, |cGso-w 3W-L-C o LWL-C
Co G Cis Cis

6.2 The Threshold Voltage

In the last section we said that the semiconductor/oxide surface is inverted when Vg is
greater than the threshold voltage V,,,,. Under these conditions a channel of electrons is
formed under the gate oxide. Below this channel, electrons fill the holes in the substrate
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giving rise to a depletion region (depleted of free carriers). The thickness of the depletion
region (Fig. 6.7) is given from pn junction theory by

2e5l Vs -Vl
Xg= } o, (6.5)

where N, is the number of acceptor atoms in the substrate, ¥/ is the electrostatic potential
at the oxide-silicon interface (the channel), and the electrostatic potential of the p-type
substrate is given by (see Eq. [2.11])

E;,-E
Vip=—— ﬁ’=f%Tln%4 (6.6)

q

noting that this is a negative number. As seen in Fig. 6.7, one edge of the depletion region
is the MOSFET’s gate oxide, while the other edge is the p-substrate (holes). The positive
potential on the gate attracts electrons under the gate oxide. This charge is equal and
opposite to the charge in the polysilicon gate material. The charge/unit area is given by

Q) = qNsXa= |2e5qNal VsVl 6.7)

If the surface electrostatic potential at the oxide interface, Vs, is the same as the bulk
electrostatic potential ¥y, (i.e., Vs = Vjpand then 0, =0), the MOSFET is operating in the
accumulation mode, or the MOSFET is OFF in circuit terms. At this point the number of
holes at the oxide-semiconductor surface is N, the same concentration as the bulk.

As ¥V is increased, the surface potential becomes more positive. When V=0,
the surface under the oxide has become depleted (the carrier concentration is n,). When
Vs =—Vp(a positive number), the channel is inverted (electrons are pulled under the
oxide forming a channel), and the electron concentration at the semiconductor-oxide
interface is equal to the substrate doping concentration. The value of ¥ when Vs = -V}
is arbitrarily defined as the threshold voltage, V,,, . Note that the surface potential
changed a total of 2|V, | between the strong inversion and accumulation cases.

For V= Vi (Vs =— Vpp), the negative charge under the gate oxide is given by
Qo = J2aN g5l =2V (6.8)

with units of Coulombs/m® Up to this point we have assumed that the substrate and
source were tied together to ground. If the source of the NMOS device is at a higher
potential than the substrate, the potential difference is given by V,; the negative charge
under the gate oxide becomes

0} = J2qNaesl =2V + Vsl (6.9)

Example 6.2

For a substrate doping of 10" atoms/cm’, V5 = V,,, and ¥V, = 0, estimate the
electrostatic potential in the substrate region, ¥, , and at the oxide-semiconductor
interface, V. , the depletion layer width, X, , and the charge contained in the
depletion region, 0}, and thus the inverted region under the gate.

The electrostatic potential of the substrate is
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Ql
Cox

An additional charge, Q/; (columbs/area), can be used to model surface states (aka
interface trapped charges, (},) that may exist because of dangling bonds at the oxide-
silicon interface. Here we assume electrons are attracted to the surface of the

semiconductor (and trapped directly under the oxide) causing the threshold voltage to
decrease. Equation (6.11) may be rewritten to include these surface-state charges as

Vp==t_ 2v, (6.11)

Vg = QbC{,x -2V (6.12)

The final component needed to determine the threshold voltage is the contact
potential between point C (the bulk) and point A (the gate material) in Fig. 6.7. The
potential difference between the gate and bulk (p-substrate) can be determined by
summing the difference between the materials in the MOS system shown in Fig. 6.8.
Adding the contact potentials, we get (Vg — Vox) + (Vox — Vjp) = V6 — Vjp . Note that if we
were to include the surface electrostatic potential, V, , the result would be the same, that
is, only the two outer materials are of concern when calculating the contact potential
difference. The contact potential between the bulk and the gate poly, we will assume n+

poly with doping concentration N,, . is given by
Vm=VG—pr=%ln(Ni;’ﬂ\+ﬂln& (6.13)
The threshold voltage, V., is given by
Viny = 2, CLXQS 2V = Vs (6.14)
:_Vm_ZVwQQG— v =0 6.15)

/ /
Cux Cux

2 SSIN
= V=2V +Qb° Qu | q ”ﬁsz,,stB—\/lef,,l] (6.16)

Metall Metall
Gate
Polysilicon Ve
Si0, Vox
P-substrate v,

Bulk (substrate connection)

Figure 6.8 Determining the contact potential between poly and substrate.
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When the source is shorted to the substrate, ¥, = 0, we can define the zero-bias threshold
voltage as

Q;o - i‘s
Vrano = =Vims =2Vp + = 6.17)
We can define a body effect coefficient or body factor by
1[ 2 85,'N
y= NogEsilia (6.18)

/
Cox

Equation (6.16) can now be written as

Viaw = Vo +y(JI2V/,,I +Vss —,/IzVﬁ,l) (6.19)

It is interesting to note that a voltage, called the flatband voltage V,,, must be applied for
the oxide-semiconductor interface surface potential, ¥, , to become the same potential as
the bulk surface potential, ¥, . The flatband voltage is given by
/
Vg =—Vms— = (6.20)
COX

The zero-bias threshold voltage may then be written in terms of the flatband voltage as
QZD
Cox
These equations describe how the threshold voltage of the MOSFET is affected by

substrate doping, oxide thickness, source/substrate bias, gate material, and surface charge
density.

VTHNO = VFB - ZVﬁ, + (621)

Example 6.3
Assuming N, = 10' atoms/cm’ and C},= 1.75 {fF/um’, estimate y (GAMMA, the
body effect coefficient).

From Eq. (6.18) the calculated y is

em® 1017

—19 columbs aF atoms cm3
1/2- 1.6 x 10-19eelumts | 7 g gsar jqleatons e’
= =03307V"2 m

.
1.75 L
pm

Example 6.4

Estimate the zero-bias threshold voltage for the MOSFET of Ex. 6.2. Assume that
the poly doping level is 10%° atoms/cm’. What happens to the threshold voltage if
sodium contamination causes an impurity of 40 aC/um’ at the oxide-
semiconductor interface with C/, = 1.75 fF/um??

The electrostatic potential between the gate and substrate is given by

20
Vs =Vp—Vo=-290 mV =26 mV - In—O—— =879 my’

14.5x 10°
—2V}, =580 mV
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Oh 139 aClum?®

= =79 mV
Che 175 fFlum? ™
Q/
C, =23mV

The threshold voltage, from Eq. (6.17) without the sodium contamination, is 220
mV; with the sodium contamination the threshold voltage is —243 mV. ®

Threshold Voltage Adjust

These threshold voltages would correspond to depletion devices (a negative threshold
voltage), that is, MOSFETs that conduct when the ¥, = 0. In CMOS applications, this is
highly undesirable. We normally use enhancement devices (devices with positive
threshold voltages that are off with V;; = V; = 0). To compensate or adjust the value of
the threshold voltage (the channel, the area under the gate poly) can be implanted with p+
ions. This effectively increases the value of the threshold voltage by Q%/C/., where Q.is
the charge density/unit area due to the implant. If N, is the ion implant dose in atoms/unit
area, then we can write

Qi=q-N 6.22)
and the threshold voltage by

VTHM):*Vms—ZVﬁ)‘f' 7
Cox

(6.23)

Example 6.5
Estimate the ion implant dose required to change the threshold voltage in Ex. 6.4
without sodium contamination, to 1 V.

From Egs. (6.22) and (6.23) and the results of Ex. 6.4

Vemo =-220my + L _ 1y
COX

This gives N,= 1.3 x 10" atoms/cm’. B

These calculations lend some insight into how the threshold voltage is affected by
the different process parameters. In practice, the results of these calculations do not
exactly match the measured threshold voltage. From a circuit design engineer’s point of
view, the threshold voltage and the body factor are measured in the laboratory when the
SPICE models are extracted.

6.3 IV Characteristics of MOSFETs

Now that we have some familiarity with the factors influencing the threshold voltage of a
MOSFET, let’s derive the large-signal IV (current/voltage) characteristics of the
MOSFET, namely operation in the triode and the saturation regions. The following
derivation is sometimes referred to as the gradual-channel approximation. The electric
field variation in the channel between the source and drain (the y-direction) doesn’t vary
significantly when compared to the variation in the direction perpendicular to the channel
(the x-direction).
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where p_ is the average electron mobility through the channel with units of cm?/V-sec (see
Eq. [5.4]). The mobility is simply a ratio of the electron (or hole) velocity cm/sec to the
electric field, V/em. For short-channel devices, the mobility decreases when the velocity
of the carriers starts to saturate. This causes the effective sheet resistance in Eq. (6.27) to
increase, resulting in a lowering of the drain current. This (velocity saturation) is
discussed in more detail later in the chapter.

The differential voltage drop across this differential resistance is given by
Ip

Vo) =Ip-dR=—12 .
W)= dR =5 )

dy (6.28)

or substituting Eq. (6.26) and rearranging
Ip-dy=Wu,Cor(Vos = V) = Vraw) - dV(y)  (6.29)

At this point, let’s define the transconductance parameter, KP, for a MOSFET. For an
n-channel MOSFET, this parameter is given by

KPy =, Clo=p,- 2= (6.30)

and for a p-channel MOSFET, it is given by
KPp =11, Cho =y - 2= (6.31)

where i, is the mobility of the holes in a PMOS transistor. Typical values of KP in the
long-channel process (with a minimum length of 1 um) used in this book are 120 pA/V?
and 40 uA/V? for n- and p-channel transistors, respectively.

The current can be obtained by integrating the left side of Eq. (6.29) from the
source to the drain, that is, from 0 to L and the right side from O to ¥, This is shown
below:

Vbs

L
Ip[dy=W-KP,- [(Vas— V)~ Viaw) - dV) (6.32)
0 0

or
2

V;
Ip=KP,- —LW {(Vc:s = Vun)Vps ~ %J for Vs = Vruy and Vps < Vs — Vrun
(6.33)

This equation is valid when the MOSFET is operating in the triode (aka linear or ohmic)
region. This is the case when the induced channel extends from the source to the drain.
Furthermore, we can rewrite Eq. (6.33) defining the transconductance parameter as

_ N4
B=KP,- (6.34)

or

2
Ip=B- [(Vcs ~ Vrun)Vos - %} (6.35)
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When a MOSFET's channel is pinched off, that is, V), > V. — Vp,,, and V>
it is operating in the saturation region. Substitution of V), into Eq. (6.33) yields

Ipsa= K;’,. . %V (Ves = V)t = %(VGS ~ Vrw)*

v,

THN> S, sat

for Vps > Vgs— Vgy and Vs 2 Vgn (6.37)

We can define an electrical channel length, L, of the MOSFET as the difference
between the drawn channel length, L, neglecting lateral diffusion, and the depletion layer
width, X,

Lejee =L ~Xg (6.38)
Substituting this into Eq. (6.37), we obtain a better representation of the drain current
=5l Wy Vomy? (6.39)

2 Lelec

Qualitatively, this means that since the depletion layer width increases with increasing
V,s the drain current increases as well. This effect is called channel length modulation
(CLM). As L is increased the effects of X, changing (CLM) become negligible.

To determine the change in output current with drain-source voltage, we take the
derivative of Eq. (6.39) with respect to Vs around ¥,y (When L = Lejec)

dID KPn W 2 dLeIec [1 dXdl :|
__ Vee—V . =Ipsa-| = 6.40
Vs 2 Lzlec( s — Vrun) WVos s | T Vs (6.40)
where it's common to define A, the channel length modulation parameter, as
dX,
A= % - (6.41)

Typical values for A range from greater than 0.1 V™' to less than 0.01 V™' (ideally A = 0).
Note that the units of dVps/dX 4 are V/m and that this term grows as process technology
shrinks. The smaller devices are designed to drop larger voltages over smaller distances.
This last point is why a nanometer device can't be made to behave like a long-channel
device simply by increasing its length.

Equation (6.37) can be rewritten to account for CLM as

KP,
2

Ip= . %V(VGS - VTHN)Z[I + )\,(VDS - VDS,sat)] = ID,sar ' [1 + )\'(VDS - VDS,A‘H')]

for Vps > Vps,sar = Vs — Vrav and Vs > Vraw (6.42)
The drain current at the triode/saturation region border occurs when
Ip =1Ipsa and Vps = Vpssar = Vs — Vran (6.43)

In these equations we assumed that the mobility does not vary with V. Later in the
chapter (in the short-channel MOSFET discussion, Sec. 6.5.2) we’ll see that the mobility
does indeed vary with V,, making characterizing /,, considerably more challenging.
Figure 6.11 shows typical curves for an n-channel MOSFET. Notice how the device
appears to go into saturation earlier than predicted by V= V¢ — Vipyy. The bold line
in the figure separates the actual triode and saturation regions (and also indicates 7, ).
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s Ip o Ipgy — 1 Vbssar=Vos—Vun 77?7
4.0p----- ID
3.0 Triode \!/ Saturation Ves =5 5

7,' . Ves=4 S on
2.0}-- /7 b Vps
. Yas Ve :
1.0 ﬂ

Vs =2
. Ves =1
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sveep v Vbs
Slope = A - Ipsar
Figure 6.11 Characterisitics of a long-channel NMOS device.

0

For example, in the simulation results at V=5 V (with 77, roughly equal to 1 V), we
see that ¥, is 1.4 V (not the 4 V we calculate using ¥ — Vi) The actual charge
distribution in the channel is not constant but rather a function of V. Q’(y) decreases as
we move away from the source of the MOSFET, causing Q’(L) to become zero earlier,
see Fig. 6.10.

C,, Calculation in the Saturation Region

The gate-to-source capacitance of a MOSFET operating in the saturation region can be
determined by solving Eq. (6.26) for the total charge in the inverted channel,

L L
Or= [W- 0l dy=WC,, [(Vos - Viy) - Veuw)dy (6.44)
0 ¢

or solving Eq. (6.29) for dy and substituting yields

MU

Ip Ves = V() = Viuw)? - dV(y) (6.45)

Or

0

where it was used that Q, goes to zero when y = L occurs when ¥V, = Vs — V0. Solving
this equation using Egs. (6.30) and (6.37) yields

Or= % “W-L-Cly-(Vos—Vrnun) (6.46)

We can determine the gate-to-source capacitance while in the saturation region by,

an 2 o/
= ==.W.L- 6.
p=gp==5 WL C (6.47)

See the entry in Table 6.1 (note the discontinuity between saturation and triode).

6.4 SPICE Modeling of the MOSFET

In this section we list the level 1, 2, and 3 SPICE model parameters and their relationship
to the equations detived in the last section. The level 1 model is a subset of the level 2
and 3 models which have more elaborate mobility modeling. All three models are based
on Eq. (6.42). A level 3 model for a long-channel CMOS process is also presented.
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Model Parameters Related to V,,,

The following SPICE model parameters are related to the calculation of V,,,,

Symbol Name Description Default Typ. Units

Viano VTO Zero-bias threshold voltage 1.0 0.8  Volts

Y GAMMA Body-effect parameter 0 04 V~#

2|V, PHI Surface to bulk potential 0.65 058 V

N, NSUB Substrate doping 0 1E15 cm®

0Ll NSS Surface state density 0 IEI0 cm™
TPG Type of gate material 1 1

Using Eq. (6.19), we can calculate the threshold voltage, ¥V, , given the above
parameters. If ¥, or y are not given, then SPICE calculates them using the above
information and Egs. (6.19) — (6.21). TPG specifies the type of gate material: 1 opposite
to substrate, —1 same as substrate, and 0 for aluminum gate.

Long-Channel MOSFET Models

The SPICE models used in this book for the “long-channel CMOS process” follow. The
scale factor is 1 pm (= minimum drawn channel length).

* 1 um Level 3 models
* Don't forget the .options scale=1u if using an Lmin of 1
* 1<L<200 and 10<W<10000 Vdd=5V

.MODEL NMOS NMOS LEVEL =3

+TOX =200E-10 NSUB =1E17 GAMMA = 0.5
+PHI =0.7 VTO =038 DELTA=3.0
+UO =650 ETA =3.0E-6 THETA=0.1
+KP =120E-6 VMAX = 1E5 KAPPA =0.3
+RSH =0 NFS =1E12 TPG =1

+XJ =500E-9 LD =100E-9

+ CGDO =200E-12 CGSO =200E-12 CGBO =1E-10
+CJ =400E-6 PB =1 MJ =05

+ CJSW =300E-12 MJSW =0.5
.MODEL PMOS PMOS LEVEL =3

+ TOX =200E-10 NSUB =1E17 GAMMA = 0.6
+PHI =0.7 VTO =-0.9 DELTA=0.1
+UO =250 ETA =0 THETA=0.1
+KP =40E-6 VMAX = 5E4 KAPPA = 1
+RSH =0 NFS =1E12 TPG =-1

+XJ =500E-9 LD =100E-9

+CGDO =200E-12 CGSO =200E-12 CGBO =1E-10
+CJ =400E-6 PB =1 MJ =05

+ CJSW =300E-12 MJSW =05

Model Parameters Related to the Drain Current

The SPICE implemention of the square-law equations, Egs. (6.35) and (6.42), is slightly
different [8] than our derivations. Equation [6.42] is implemented in SPICE with V=
0. To avoid a discontinuity then Eq. (6.35) is multiplied by (1+A - Vps).
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Symbol Name Description Default Typ. Units
KP KP Transconductance parameter 20E-6 50E-6 A/V?
t, TOX Gate-oxide thickness 1E-7 40E-10 m
A Lambda Channel-length modulation 0 0.01 V'
Ly LD Lateral diffusion 0 2.5E-Tm
[T uo Surface mobility 600 580 cm¥Vs
SPICE Modeling of the Source and Drain Implants
Name Description Default Typical  Units
RD Drain contact resistance 0 40 Q
RS Source contact resistance 0 40 Q
RSH Source/drain sheet resistance 0 50 Q/sq.
CGBO Gate-bulk overlap capacitance 0 4E-10 F/m

- CGDO Gate-drain overlap capacitance 0 4E-10 F/m
CGSO Gate-source overlap capacitance 0 4E-10 F/m
PB,PBSW  Bottom, sidewall built-in potential 0.8 0.8 A\
MJ, MISW  Bottom, sidewall grading coefficient 0.6 0.6
CJ Bottom zero-bias depletion capacitance 0 3E-4 F/m?
CJSW Sidewall zero-bias depletion capacitance 0 2.5E-10  F/m
IS Bulk-junction saturation current 1E-14 1E-14 A
JS  Bulk-junction saturation current density 0 1E-8 A/m?
FC  Bulk-junction forward bias coefficient 0.6 0.6
Summary

Table 6.2 lists the characteristics of the long-channel CMOS process used in this book.

Table 6.2 Summary of device characteristics for the long-channel CMOS process.

Long-channel MOSFET parameters used in this book.
The VDD =5 V and the scale factor is 1 pm (scale = 1le—6)
Parameter NMOS PMOS Comments
Vigyand Vi, 800 mV 900 mV Typical
KP,and KP, 120 pA/V? 40 pA/V? t,=200 A
Cl = Eoxllox 1.75 fF/um? 1.75 fF/um? Cox = CL WL - (scale)*
A,and A, 0.01 V' 0.0125 V™! atL=2
y,andy, 0.5v? 0.6 V™" Body factor
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6.4.1 Some SPICE Simulation Examples

Figure 6.11 shows the I,-V, characteristics of an NMOS device in the long-channel
process. Figure 6.12 shows the equivalent PMOS device. Notice that the devices are the
same size, 10/1, in the two simulations; however, the drain current of the PMOS is less
than half the drain current of the NMOS. This is related to the mobility of the holes being
two to three times lower than the mobility of the electrons. Electrons in the valence band
are more tightly coupled to the nucleus of an atom than are electrons in the conduction
band. Because apparent movement of holes is actually the result of electrons moving in
the valence band, the hole mobility is lower than electron (in conduction band) mobility.

na ID —1ID
1.5 g memmomepeeeeoeneeseopgaeeaae - ) ‘
e v
1.0 = / ...... iVSG =4 Vsc S
’ e
L : G
//"" Vso=3 1011 Ve
0.5 - : et D
: EVSG=2: lID
0.0 : : ;
0.0 1.0 2.0 3.0 4.0 5.0
sveep v VSD

Figure 6.12 Characterisitics of a long-channel PMOS device.

Threshold Voltage and Body Effect

In simple terms, the threshold voltage is the voltage that turns the device on and allows
drain current to flow from the drain to the source. Figure 6.13 shows the I,-¥; curves for
an NMOS device. When the source and substrate are at the same potential, ¥, = 0, the
threshold voltage is labeled V,,,, (see Eq. [6.17]). When V, starts to increase, the
threshold voltage goes up. This is called the body effect. Figure 6.14 shows two
MOSFETs: one with and one without body effect (substrate, or body, is grounded).

Ip

ua — 1D

800.0 prrmrmmmmmemesremnnnnenes eneneeneenas :

600.0 A

LTI S— -

B i /
0 T

Vrawo (Vss = 0, no body effect)

T
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Figure 6.13 Threshold voltage and body effect.
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logIp Moderate Vps = VDD

inversion

Strong inversion
Weak
inversion

107

Drain current is
I on when VDs = VGS = VDD

3>
>

t i
0 Vran VDD Vs

Figure 6.16 Drain current plotted from weak to strong inversion.

The subthreshold region is often characterized using the log I, plotted against V¢
(see Fig. 6.16). The current transport from the drain to source in Sec. 6.3 was via drift. An
applied electric field, when the MOSFET is operating in the strong inversion region,
causes carriers to drift from the channel to the drain across the depletion region (and
hence why we talk about mobility). In the weak inversion, or subthreshold region, the
carriers diffuse from the source to the drain just like carrier movement in a bipolar
junction transistor, BJT. In a BJT the carriers are emitted from the emitter, diffuse across
the base, and are collected at the collector. In a MOSFET operating in subthreshold, the
carriers are emitted by the source, diffuse across the body of the device (under the gate
oxide) and are collected at the drain. We can write the drain current of the MOSFET in
the subthreshold region as

Ip=1Ipy- %/ . e9Vas ~Vrun)(n-kT) (648)

Taking the log of both sides with V7 = kT/q (the thermal voltage), we get

subthreshold slope

logID=log%V+logIDo +- ZT;’N -loge+[V1 ; ~loge} Ves (6.49)
T T

The reciprocal of the subthreshold slope is given by

VT-n
loge

Subthreshold slope™! = (mV/decade) (6.50)

If kT/q = 0.026 V = V. and n (the slope parameter) = 1, the reciprocal of the subthreshold
slope is 60 mV/decade (it can be said the subthreshold slope is 60 mV/decade and it is
understood it is actually one over the slope). In bulk CMOS # is around 1.6 and the
subthreshold slope is 100 mV/decade at room temperature. For the ideal MOSFET used
as a switch when ¥ is less than the threshold voltage, the drain current goes to zero. The
slope of the curve below ¥V, in Fig. 6.16 is then infinite (corresponding to zero
subthreshold slope™). The subthreshold slope can be a very important MOSFET
parameter in many applications (the design of dynamic circuits). Notice that the drain
current that flows with V= 0 is called / , (with V';,; = VDD). The drain current that flows
when V= V,o= VDD (in the strong inversion region) is called 7 ,.
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6.5 Short-Channel MOSFETs

The long-channel CMOS process used in the first part of this chapter is useful for
illustrating the fundamentals of MOSFET operation. However, modern CMOS transistors
have channel lengths that are well below the 1 um minimum length of this process. The
gradual channel approximation used earlier to develop the square-law current-voltage
characteristics of the MOSFET falls apart for modern short-channel devices. The electric
field under the gate oxide can no longer be treated in a single dimension. In addition, the
velocity of the carriers drifting between the channel and the drain of the MOSFET can
saturate, Fig. 6.17, an effect called carrier velocity saturation, v,,. Typical values for the
low electric field mobilities (electric fields, E, less than the critical electric field, E,,,,
where the velocity saturates) for electrons and holes are 600 cm?/Vs (u,) and 250 cm?/Vs
(1,)- See text associated with Eq. (5.4) for additional information.

Electrons

|
O e S
< . Holes
=y !
g 106+ l E i, for electrons
> :
£ |
A '
107 S t ——>E
102 10 10 10

Electric field (V/cm)

Figure 6.17 Dirift velocity plotted against electric field. The slope of these curves
is the mobility of the carriers, see Eq. (5.4)

Hot Carriers

In very small devices some of the carriers drifting near the drain can obtain energies much
larger than the thermal energy of carriers under equilibrium conditions. These carriers are
termed kot carriers. The carrier scattering events are no longer localized allowing the
carriers to have higher, than the values mentioned above, mobilities. The velocity of these
carriers can exceed the saturation velocity indicated in Fig. 6.17. This effect is called
velocity overshoot and it can enhance the speed and transconductance of the MOSFETs
(which is good). Unfortunately, hot carriers can also tunnel through the gate oxide and
cause gate current or become trapped in the gate oxide, having the effect of changing the
MOSFET's threshold voltage. Hot carriers can also cause impact ionization (avalanche
multiplication).

Lightly-Doped Drain (LDD)

A cross-sectional view of an NMOS device using a lightly doped drain (LDD) structure is
shown in Fig. 6.18 (and Fig. 4.7). The addition of the lightly doped n- provides a resistive
buffer between the channel and the higher-doped source/drain. The effect of the LDD
structure is to increase the voltage dropped across the drain-channel interface, dV,;/dX,,.
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6.5.2 Short-Channel Effects

The average drift velocity, v, of an electron plotted against electric field, £, was shown in
Fig. 6.17. When the electric field reaches a critical value, labeled £, , the velocity
saturates at a value v, , that is, the velocity ceases to increase with increasing electric
field (note that here we are neglecting the potential for velocity overshoot). The ratio of
electron drift velocity to applied electric field is the electron mobility (Eq. 5.4), or, again

-y
bo = (6.54)

Above the critical electric field, the mobility starts to decrease, whereas below E,, , the
mobility is essentially constant. Rewriting Eq. (6.29) to determine how the mobility
changes with ¥(y) results in
dav
I =t T2 W Cil Vs~ V= VO] (655)

We are interested in determining how the drain current of a short-channel MOSFET
changes with V¥, when operating in the saturation region. (The charge under the gate
oxide at the drain channel interface is zero, and the channel is pinched off.) The
MOSFET enters the saturation region when V(L) = ¥V .. At high electric fields, the
mobility can be approximated by

Vsat Vsat
o= 6.56
W =g = anpyidy (6:56)
so that Eq. (6.55) can be written as
Ip=W- v+ Coe(Vis — Vran — Vs,sar) (6.57)

The drain current of a short-channel MOSFET operating in the saturation region increases
linearly with V. The long-channel theory, Eq. (6.37), shows the drain current increasing
with the square of the gate-source voltage. This result also presents a practical relative
figure of merit for the modern CMOS process, the drive current per width of a MOSFET.
The on or drive current, I or I, (uA/um), is given by

> Lon drive
Ion = Lirive = Vsat - Cox(Vos — Vruw — Vs sar) (6.58)

and therefore, see Fig. (6.16),
Ip=1I,n - W=1I4ive- W with Vgs = Vps = VDD (6.59)

The on (drive) current can be estimated using these equations; however, it is normally
measured.

Negative Bias Temperature Instability (NBTI)

In a modern PMOS device when the gate voltage is driven below its source voltage (Vy; >
0) crucial device parameters, such as the threshold voltage, are observed to shift over
time. Historically, both the trapping of holes in oxide defects and the creation of interface
states have been suspected to be the cause of the shift. NBTI can be a significant
reliability concern in SiO, gate dielectrics due to time and temperature-dependent
fluctuations in device parameters during both on and off states of operation. NBTI is also
present in NMOS devices but it is considerably more pronounced in the PMOS transistor.
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Oxide Breakdown

For reliable device operation, the maximum electric field across a device gate oxide
should be limited to 10 MV/cm. This translates into 1V / 10 A of gate oxide. A device
with 7, of 20 A should limit the applied gate voltages to 2 V for reliable long-term
operation.

Drain-Induced Barrier Lowering

Drain-induced barrier lowering (DIBL, pronounced "dibble") causes a threshold voltage
reduction with the application of a drain-source voltage. The positive potential at the
drain terminal helps to attract electrons under the gate oxide and thus increase the surface
potential ¥, In other words ¥, helps to invert the channel on the drain side of the device,
causing a reduction in the threshold voltage. Since V7, decreases with increasing ¥, the
result is an increase in drain current and thus a decrease in the MOSFET’s output
resistance.

Gate-Induced Drain Leakage

Gate-Induced Drain Leakage (GIDL, pronounced "giddle") is a term used to describe a
component of the drain to substrate leakage current. When the device is in accumulation
(e.g. the gate of an NMOS device is at ground) the surface and substrate potentials are
nearly the same. In this situation there can be a dramatic increase in avalanche
multiplication or band-to-band tunneling when the drain is at a higher potential. Minority
carriers underneath the gate are swept to the substrate creating the leakage current.

Gate Tunnel Current

As the oxide thickness scales downwards, the probability of carriers directly tunneling
through the gate oxide increases. For oxide thicknesses less than 15 A, this gate current
can be significant. To reduce the tunnel current, various sandwiches of dielectrics are
being explored. Figure 16.67 later in the book presents some results showing values for
direct tunnel currents under various operating conditions.

6.5.3 SPICE Models for Our Short-Channel CMOS Process

Section 6.4 presented some SPICE models for the long-channel CMOS process used in
this book. In this section we give the BSIM4? models for the 50 nm process we use in the
book with VDD =1V, see also Table 5.2. The model listing is given below.

BSIM4 Model Listing (NMOS)
* 50nm BSIM4 models

* Don't forget the .options scale=50nm if using an Lmin of 1
* 1<Ldrawn<200 10<Wdrawn<10000 Vdd=1V

.model nmos nmos level = 54

+binunit = 1 paramchk= 1 mobmod =0

+capmod =2 igcmod =1 igbmod =1 geomod = 1
+diomod =1 rdsmod =0 rbodymod= 1 rgatemod= 1

? BSIM4 is a fourth generation MOSFET model developed at the University of California,
Berkeley. The acronym stands for Berkeley Short-channel IGFET (insulated gate FET) Model.
For more information see: http://www-device.eecs.berkeley.edu
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+permod =1 acngsmod=0 trngsmod=0
+tnom =27 toxe =1.4e-009 toxp =7e-010 toxm =1.4e-009
+epsrox =3.9 wint = 5e-009 lint =1.2e-008
Hl =0 w =0 I =1 wih =1
Hw =0 ww =0 wn =1 wwn =1
+wl =0 wwi =0 xpart =0 toxref = 1.4e-009
+vth0 =0.22 k1 =035 k2 =0.05 k3 =0
+k3b =0 w0 =25e-006 dvt0 =28 dvtl =0.52
+dvt2 =-0.032 dvtow =0 dvtlw =0 dvtew =0
+dsub =2 minv  =0.05 voffl =0 dvtp0 = 1e-007
+dvtp1 =0.05 Ipe0 =575e-008 Ipeb =2.3e-010 xj =2e-008
+ngate = 5e+020 ndep =28e+018 nsd =1e+020 phin =0
+cdsc = 0.0002 cdscb =0 cdscd =0 ct =0
+voff =-0.15 nfactor = 1.2 eta0 =0.15 etab =0
+vfb  =-0.55 ud  =0.032 ua =1.6e-010 ub  =1.1e-017
+uc  =-3e-011 vsat =1.1e+005 a0 =2 ags =1e-020
+al =0 a2 =1 b0 =-1e-020 b1 =0
+keta =0.04 dwg =0 dwb =0 pclm =0.18
+pdibic1 = 0.028 pdiblc2 = 0.022 pdibicb = -0.005 drout =045
+pvag = 1e-020 delta =0.01 pscbe1 =8.14e+8 pscbe2 = 1e-007
+fprout =0.2 pdits =0.2 pditsd =0.23 pditsl =2.3e+006
+rsh =3 rdsw =150 rsw =150 rdw =150
+rdswmin =0 rdwmin =0 rswmin =0 prwg =0
+prwb = 6.8e-011 wr =1 alpha0 =0.074 alpha1 =0.005
+beta0 =30 agidl = 0.0002 bgidl =2.1e+008 cgidl =0.0002
+egidl =0.8
+aigbacc = 0.012 bigbacc = 0.0028 cigbacc = 0.002
+nigbacc = 1 aigbinv = 0.014 bigbinv = 0.004 cigbinv = 0.004
+eigbinv = 1.1 nigbinv = 3 aigc =0.017 bigc =0.0028
+cigc =0.002 aigsd =0.017 bigsd =0.0028 cigsd =0.002
+nigc =1 poxedge = 1 piged =1 ntox =1
+xrergl =12 xrcrg2 =5
+cgso =6.238e-010 cgdo =6.238e-010 cgbo =2.56e-011 cgdl =2.495e-10
+cgsl =2.495e-10 ckappas = 0.02 ckappad = 0.02 acde =1
+moin =15 noff =0.9 voffcv =0.02
+kt1  =-0.21 kt1l =0.0 kt2  =-0.042 ute =-15
+ual = 1e-009 ub1t =-3.5e-019 uclt =0 pt =0
+at  =53000
+fnoimod = 1 tnoimod = 0
+jss  =0.0001 jsws =1e-011 jswgs =1e-010 njs =1
+ijthsfwd= 0.01 ijthsrev= 0.001 bvs =10 xjbvs =1
+jsd  =0.0001 jswd = 1e-011 jswgd = 1e-010 nd =1
+ijthdfwd=0.01 ijithdrev= 0.001 bvd =10 xjbvd =1
+pbs =1 cjs =0.0005 mjs =05 pbsws =1
+cjsws = 5e-010 mjsws =0.33 pbswgs =1 cjswgs = 3e-010
+mjswgs = 0.33 pbd =1 cjd =0.0005 mjd =05
+pbswd =1 ciswd =5e-010 mjswd =0.33 pbswgd =1
+cjswgd = 5e-010 mjswgd =0.33 tpb =0.005 tcj =0.001
+tpbsw = 0.005 tcjsw =0.001 tpbswg = 0.005 tcjswg = 0.001
+xtis =3 xtd =3
+dmcg = 0e-006 dmci = 0e-006 dmdg = 0e-006 dmcgt = 0e-007

IPR2023-00698
Theta EX2019



CMOS Circuit Design, Layout, and Simulation

+dwj = 0.0e-008
+rshg =04
+rbps =15

.model pmos
+binunit = 1
+capmod =2
+diomod =1
+permod =1
+tnom =27
+epsrox = 3.9
+H =0
Hw =0
+Hwl =0
+vth0 =-0.22
+k3b =0
+dvt2 =-0.032
+dsub =0.7
+dvtp1 =0.05
+ngate = 5e+020
+cdsc = 0.000258
+voff =-0.15
+vfb =0.55
+uc =4.6e-013
+al =0
+keta =-0.047
+pdiblc1 = 0.03
+pvag = 1e-020
+fprout =0.2
+rsh =3
+rdswmin =0
+prwb  =6.8e-011
+beta0 =30
+egidl =0.8
+aigbacc = 0.012
+nigbace = 1
+eigbinv = 1.1
+cigc =0.0008
+nige =1
+xrergl =12
+cgso =7.43e-010
+cgsl =1e-014
+moin =15
+kt1 =-0.19
+ual =-1e-009
+at  =33000
+fnoimod = 1
+jss  =0.0001

BSIM4 Model Listing (PMOS)

xgw = 0e-007
gbmin = 1e-010
rbdb =15
pmos level = 54
paramchk= 1
igcmod =1
rdsmod =0
acngsmod= 0
toxe = 1.4e-009
wint = 5e-009
wi =0

ww =0

wwl =0

k1 =0.39

w0  =2.5e-006
dvtow =0

minv. =0.05
lpe0 = 5.75e-008
ndep =2.8e+018
cdscb =0
nfactor = 2

u0  =0.0095
vsat =90000
a2 =1

dwg =0
pdiblc2 = 0.0055
deita =0.014
pdits =0.2

rdsw =250
rdwmin =0

wr =1

agidl = 0.0002

bigbacc = 0.0028

aigbinv = 0.014
nigbinv = 3
aigsd =0.0087
poxedge = 1
xrcrg2 =5
cgdo =7.43e-010
ckappas = 0.5
noff =0.9

kt1l =0

ubl =2e-018
tnoimod = 0
jsws =1e-011

xgl = 0e-008
rbpb =5

rbsb =15
mobmod =0
igbmod =1
rbodymod= 1
trngsmod= 0
toxp =7e-010
lint =1.2e-008
Inh =1

twn =1

xpart =0

k2 =0.05
dvt0 =39
dvtiw =0

voffl =0

Ipeb =2.3e-010
nsd =1e+020
cdscd = 6.1e-008
eta0 =0.15

ua =1.6e-009
a0 =12

b0 =-1e-020
dwb =0

pdiblcb = 3.4e-008
pscbe1 =8.14e+08
pditsd =0.23

rsw =160
rswmin =0

alpha0 =0.074
bgidl =2.1e+009

cigbacc = 0.002

bigbinv = 0.004
aigc =0.69

bigsd =0.0012
piged =1

cgbo =2.56e-011
ckappad = 0.5
voffcv =0.02

kt2 =-0.052

uct =0

jswgs =1e-010

rbpd =15
ngcon =1

geomod =1
rgatemod= 1

toxm =1.4e-009
win =1

wwn =1

toxref = 1.4e-009

k3 =0

dvt1 =0.635
dvt2w =0
dvip0 = 0.5e-008
xj =2e-008
phin =0

ct =0

etab =0

ub =8e-018
ags =1e-020
bt =0

pcim =0.55
drout =0.56

pscbe2 = 9.58e-07
pditsl = 2.3e+006

rdw =160
prwg = 3.22e-008
alphat =0.005
cgidl =0.0002
cigbinv = 0.004
bige =0.0012
cigsd =0.0008
ntox =1

cgdl =1e-014
acde =1

ute =-15

pt =0

njs =1
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+ijthsfwd= 0.01 ijthsrev=0.001 bvs =10 xjbvs =1
+jsd = 0.0001 jswd =1e-011 jswgd =1e-010 nd =1
+ijthdfwd= 0.01 iithdrev=0.001 bvd =10 xjpbvd =1
+pbs =1 cjs =0.0005 mjs =05 pbsws =1
+cjsws = 5e-010 mjsws =0.33 pbswgs =1 cjswgs = 3e-010
+mjswgs =0.33 pbd =1 cjid =0.0005 mjd =05
+pbswd =1 cjswd =5e-010 mjswd =0.33 pbswgd =1
+cjswgd = 5e-010 mjswgd =0.33 tpb =0.005 tcj =0.001
+tpbsw = 0.005 tcjsw = 0.001 tpbswg = 0.005 tcjswg = 0.001
+xtis =3 xtid =3
+dmcg = 5e-006 dmci = 5e-006 dmdg = 5e-006 dmcgt = 6e-007
+dwj = 4.5e-008 xgw = 3e-007 xgl =4e-008
+rshg =04 gbmin =1e-010 rbpb =5 rbpd =15
+rbps =15 rbdb =15 rbsb =15 ngcon =1

Simulation Results

Figure 6.19 shows 10/1 PMOS and NMOS device simulation results using the topologies
seen in Figs. 6.11-6.13. The actual device sizes are 500 nm (width) by 50 nm (length).
From the information in this figure and knowing VDD is 1 V, we can estimate the on
currents for the MOSFETs. For the NMOS device

Lonn =300 pA/(W - scale) = 600 pA/pm (6.60)
For the PMOS device
Lonp = 150 pd/(W - scale) = 300 pd/pum (6.61)
w Jp — 1 w [p —1m _
4000 Vgs= 100 f/iG/—‘
LT 1V
300 0f-emeenas // 1V 1000 —/711:
200.0 o 750 mV //.—/ 50 mV
100.0 / - 500 mV
: -+ 500 mV IS B e AR
ngn 0.2 U‘I 0.6 0.8 10 ugﬂ 0.2 Ull 0.6 0.8 1.0
Configuration seen in Fig. 6.11 Vos Configuration seen in Fig. 6.12 Vso
w JIp —1 w [p —m
80.0 40.0
Vsgi=0
[T ] RS S 30.0
Vasi=0
40.0 \ 20.0 \
20.0 $~VSB = 1 10.0 /{
o0 o é Bsi=1
0.0 100.0 200.0 300.0 400.0 500.0 0.0 100.0 200.0 300.0 400.0 S00.0
sveep » sveep v
Configuration seen in Fig. 6.13 Vas PMOS equivalent of Fig. 6.13 Vse

Figure 6.19 Current-voltage characteristics for 50 nm MOSFETSs.
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The threshold voltages can be estimated as 280 mV. (See Fig. 9.27 and the associated
discussion for more information on determining the threshold voltages.) Note that it
doesn’t make sense to try to define a transconductance parameter, KP, for a short-
channel process (the MOSFETs don’t follow the square-law equations, Eqs. [6.33] and
[6.37].) Instead we use 1,,,, I, t,. , W, scale, V;,,,,, VDD, and plots of measured data.
Table 6.4 shows some of the device characteristics for the short-channel CMOS process
used in this book. Note that we don't confuse I, (Fig. 6.16) with I, (the current at the

border between triode and saturation, Figs. 6.11 or 9.4 and Eq. [6.43]).

Table 6.4 Summary of device characteristics for the short-channel CMOS process.

Short-channel MOSFET parameters used in this book.

The VDD =1 V and the scale factor is 50 nm (scale = 50e—-9)

Parameter NMOS PMOS Comments
Vigyand Vi, 280 mV 280 mV Typical

t, 14 A 14 A See also Table 5.1
Chx = Eoxltox 25 fF/pm> 25 fF/pm’ Cox = Cl WL - (scale)?

A, and A 0.6V’ 03V AtL=2

l,,andl, 600 pA/um 300 pA/pum On current

| Lg.and /g, 7.1 nA/um 10 nA/pm Off current, see Fig. 14.2
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PROBLEMS

6.1  Plot the magnitude and phase of v, (AC) in the following circuit, Fig. 6.20.
Assume that the MOSFET was fabricated using the 50 nm process (see Table 5.1)
and is operating in strong inversion. Verify your answer with SPICE.

1 mV (AC)

Vout

L W=L =100
E

Figure 6.20 Circuit used in Problem 6.1.

250k
500 mV

6.2  If a MOSFET is used as a capacitor in the strong inversion region where the gate
is one electrode and the source/drain is the other electrode, does the gate overlap
of the source/drain change the capacitance? Why or not? What is the capacitance?

6.3  Repeat Problem 6.2 when the MOSFET is operating in the accumulation region.
Keep in mind that the question is not asking for the capacitance from gate to
substrate.

6.4 If the oxide thickness of a MOSFET is 40 A, what is C/.?
6.5 RepeatEx.6.2whenV,=1V.

6.6  Repeat Ex. 6.3 for a p-channel device with a well doping concentration of 10'
atoms/cm’.

6.7  What is the electrostatic potential of the oxide-semiconductor interface when ¥
= Vimo?

6.8  Repeat Ex. 6.5 to get a threshold voltage of 0.8 V.

6.9  What happens to the threshold voltage in Problem 6.8 if sodium contamination of
100 x 10° sodium ions/cm? is present at the oxide-semiconductor interface?

6.10 How much charge (enhanced electrons) is available under the gate for conducting
a drain current at the drain-channel interface when V,; = Vg — V7 Why?
Assume that the MOSFET is operating in strong inversion, V> V., .

6.11 Show the details of the derivation for Eq. (6.33) for the PMOS device.
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6.12 Using Eq. (6.35), estimate the small-signal channel resistance (the change in the
drain current with changes in the drain-source voltage) of a MOSFET operating in
the triode region (the resistance between the drain and source).

6.13 Show, using Egs. (6.33) and (6.37), that the parallel connection of MOSFETs
shown in Fig. 5.18 behave as a single MOSFET with a width equal to the sum of
each individual MOSFET width.

6.14 Show that the bottom MOSFET, Fig. 6.21, in a series connection of two
MOSFETs cannot operate in the saturation region. Neglect the body effect. Hint:
Show that M1 is always either in cutoff (¥, < V) or triode (V< V.,

DS1 GS1 VTHN) .

M2
w
L Equal to 4‘ I TLz
—
e <
L4
L,
M1

Figure 6.21 MOSFETS operating in series.

6.15 Show that the series connection of MOSFETSs shown in Fig. 6.21 behaves as a
single MOSFET with twice the length of the individual MOSFETs. Again, neglect
the body effect.
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Chapter

CMOS Fabrication

This chapter presents a brief overview of CMOS process integration. Process integration
refers to the well-defined collection of semiconductor processes required to fabricate
CMOS integrated circuits starting from virgin silicon wafers. This overview is intended
to give the reader a fundamental understanding of the processes required in CMOS
integrated circuit fabrication. Moreover, there are strong interactions between circuit
design and process integration. For instance, the typical design rule set is determined in
large part by the limitations in the fabrication processes. Hence, circuit designers, process
engineers, and integration engineers are required to communicate effectively. To this end,
we first examine the fundamental processes, called unit processes, required for CMOS
fabrication. The primary focus is the qualitative understanding of the processes with
limited introduction of quantitative expressions. The unit processes are combined in a
deliberate sequence to fabricate CMOS. Additionally, the unit processes are typically
repeated numerous times in a given process sequence. Here we present a representative
modern CMOS process sequence, also called a process flow.

7.1 CMOS Unit Processes

In this section we introduce each of the major processes required in the fabrication of
CMOS integrated circuits. We first discuss wafer production. Although wafer production
is not a unit process, it is nonetheless important to present the production method which
is used by wafer manufacturers. All subsequent discussions are focused on the unit
processes incorporated by fabrication facilities to produce integrated circuits. The unit
processes are grouped by functionality. Thermal oxidation, doping processes,
photolithography, thin-film removal, and thin-film deposition techniques are presented.

7.1.1 Wafer Manufacture

Silicon is the second most abundant element in the Earth’s crust; however, it occurs
exclusively in compounds. In fact, elemental silicon is a man-made material that is
refined from these various compounds. The most common is silica (impure Si0,).
Modern integrated circuits must be fabricated on ultrapure, defect-free slices of single
crystalline silicon called wafers, as discussed in Ch. 1.
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Chapter 7 CMOS Fabrication 163

(called a boule or ingot) that assumes the crystallographic orientation of the seed. In
general, the slower the pull-rate (typically mm/hour), the larger the diameter of the silicon
crystal. Following CZ growth, the silicon boule is trimmed down to the appropriate
diameter. Flats or notches are ground into the surface of the boule to indicate a precise
crystal orientation. Using a special diamond saw, the silicon boule is cut into thin wafers.
The wafers are finished by using a chemical mechanical polishing (CMP) process to yield
a mirror-like finish on one side of the wafer. Although devices are fabricated entirely
within the top couple of micrometers of the wafer, final wafer thicknesses (increasing
with wafer diameter) are up to roughly one millimeter for adequate mechanical support.

7.1.2 Thermal Oxidation

Silicon, when exposed to an oxidant at elevated temperatures, readily forms a thin layer
of oxide at all exposed surfaces. The native oxide of silicon is in the form of silicon
dioxide (Si0,). With respect to CMOS fabrication, SiO, can serve as a high quality
dielectric in device structures such as gate oxides. Moreover, during processing, thermally
grown oxides can be used as implantation, diffusion, and etch masks. The dominance of
silicon as a microelectronic material can be attributed to the existence of this high quality
native oxide and the resultant near ideal silicon/oxide interface.

Figure 7.2 depicts the basic thermal oxidation process. The silicon wafer is
exposed at high temperatures (typically 900 °C-1200 °C) to a gaseous oxidant such as
molecular oxygen (O,) and/or water vapor (H,0). For obvious reasons, oxidation in O, is
called dry oxidation, whereas in H,O it is called wet oxidation, as discussed in Sec. 2.1.
The gas/solid interface forms a stagnant layer through which the oxidant must diffuse to
reach the surface of the wafer. Once at the surface, the oxidant again must diffuse through
the existing oxide layer that is present. As the oxidant species reaches the silicon/oxide
interface, one of two reactions occur

Si+ O, > SiO; (dry oxidation) (7.3)
Si+2H,0 — SiO; + 2H, (wet oxidation) 74
Gas ambient SiO, Si
[€—— Xox —>
CG\
c Cs C = Oxidant concentration in the bulk gas
[)
- Cs = Oxidant concentration at the surface
% Co= Oxidant concentration just inside the
& oxide surface
s C . .
1 C1 = Oxidant concentration at the
S w_ Si/SiO; interface
- Moving
Distance interfaces

Figure 7.2 A simple model for thermal oxidation of silicon. Notice the oxidant
concentrations (boundary conditions) in the gas, oxide, and silicon.
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7.1.3 Doping Processes

The controlled introduction of dopant impurities into silicon is necessary to affect
majority carrier type, carrier concentration, carrier mobility, carrier lifetime, and internal
electric fields. The two primary methods of dopant introduction are solid state diffusion
and ion implantation. Historically, solid state diffusion has been an important doping
process; however, ion implantation is the preferred method in modern CMOS fabrication.

Ion Implantation

The workhorse method of introducing dopants into the near-surface region of wafers is a
process called ion implantation. In ion implantation, dopant atoms (or molecules) are
ionized and then accelerated through a large electric potential (a few kV to MV) towards
a wafer. The highly energetic ions bombard and thus implant into the surface. Obviously,
this process leads to a high degree of lattice damage, which is generally repaired by
annealing at high temperatures. Moreover, the ions do not necessarily come to rest at a
lattice site, hence an anneal is required to electrically activate (i.e., thermally agitate the
impurities into lattice sites) the dopant impurities.

Figure 7.5 shows a schematic diagram of an ion implanter. The ions are generated
by an RF field in the ion source where they are subsequently extracted to a mass
spectrometer. The spectrometer only allows ions with a user-selected mass to enter the
accelerator, where the ions are passed through a large potential field. The ions are then
scanned via electrostatic lens across the surface of the wafer.

Mass spectrometer

Ion source Accelerator column (up to 1 MeV)

Figure 7.5 Simplified diagram of an ion implanter. The ions are created by an RF field
where they are extracted into a mass spectrometer. An electrostatic lens
scans the ion beam on the surface of a wafer to achieve the appropriate dose.
Electrostatically, the ions can be counted to provide the real-time dose.

A first-order model for an implant doping profile is given by a Gaussian
distribution described mathematically as
N®) = Npexp| —(x— R,)*/2AR2 ] (7.5)
where N, is the peak concentration, R, is the projected range, and AR, is called the
straggle. By inspection, R, should be identified as the mean distance the ions travel into

the silicon and AR as the associated standard deviation. Figure 7.6 illustrates a typical ion
implant profile. Obviously, N, occurs at a depth of R,. Moreover, the area under the
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implant curve corresponds to what is referred to as the implant dose Q,
mathematically as

given

imp *

Qimp = [NGx) - dx (1.6)
0

Localized implantation is achieved by masking off regions of the wafer with an
appropriately thick material such as oxide, silicon nitride, polysilicon, or photoresist.
Since implantation occurs in the masking layer, the thickness must be of sufficient
magnitude to stop the ions prior to reaching the silicon substrate. In comparison to solid
state diffusion, ion implantation has the advantage of being a low temperature and highly
controlled process.

Concentration

>
Distance, x

Figure 7.6 Ideal implant profile representing Eq. (7.5). Notice that the peak
concentration occurs below the surface and depends on the implant
energy.

Solid State Diffusion

Solid state diffusion is a method for introducing and/or redistributing dopants. In this
section, we study solid state diffusion primarily to gain insight into “parasitic” dopant
redistribution during thermal processes. In typical CMOS process flows, dopants are
introduced into localized regions via ion implantation where the subsequent processing
often consists of high temperature processing. Solid state diffusion inherently occurs in
these high temperature steps, thus spreading out the implant profile in three dimensions.
The net effect is to shift the boundary of the implant from its original implant-defined
position, both laterally and vertically. This thermal smearing of the implant profiles must
be accounted for during CMOS process flow development. If not, the final device
characteristics can differ significantly from what was expected.

Solid state diffusion (or simply diffusion) requires two conditions: 1) a dopant
concentration gradient, and 2) thermal energy. Diffusion is directly proportional to both.
An implanted profile (approximated by a delta function at the surface of the wafer)
diffuses to first order as

Qimp
Jr-D-t -exp(-x*/4Dr)
where Q,  is the implant dose, D is the diffusivity of the dopant, and ¢ is the diffusion

time. Figure 7.7 illustrates limited-source diffusion of a one-dimensional implant profile.
Notice that the areas under the respective curves for a given time are equal.

Nix, )=

(1.7)
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t,<ti1 <ty

Ny
>
X

Distance,

Figure 7.7 Idealized limited-source diffusion profile showing the effects of drive-in
time on the profile. Notice that the peak concentration occurs at the surface
of the substrate (x = 0) and that the area under the curves is constant.

7.1.4 Photolithography

In the fabrication of CMOS, it is necessary to localize processing effects to form a
multitude of features simultaneously on the surface of the wafer. The collection of
processes that accomplish this important task using an ultraviolet light, a mask, and a
light-sensitive chemical resistant polymer is called photolithography. Although there are
many different categories of photolithography, they all share the same basic processing
steps that result in micron-to-submicron features generated in the light-sensitive polymer
called photoresist. The photoresist patterns can then serve as ion implantation masks and
etch masks during subsequent processing steps.

Figure 7.8 outlines the major steps required to implement photolithography
patterning of a thermally grown oxide. Photoresist, a viscous liquid polymer, is applied to
the top surface of the oxidized wafer. The application typically occurs by dropping (or
spraying) a small volume of photoresist to a rapidly rotating wafer yielding a uniform thin
film on the surface. Following spinning, the coated wafer is softbaked on a hot plate
which drives out most of the solvents from the photoresist and improves the adhesion to
the underlying substrate. Next, the wafers are exposed to ultraviolet light through a mask
(or reticle) that contains the layout patterns for a given drawn layer. Unless the first layer
is being printed, the exposure must be preceded by a careful alignment of mask features
to existing patterns on the wafer. There are three general methods of exposing
(patterning) the photoresist: contact, proximity, and projection photolithography. In both
contact and proximity photolithography, the mask and the wafers are in contact and in
close proximity, respectively, to the surface of the photoresist. Here the mask features are
of the same scale as the features to be exposed on the surface.

In projection photolithography, the dominant type of patterning technology, the
mask features are on a larger scale (e.g., 5X or 10X) relative to the features exposed on
the surface. This is accomplished with a projection stepper. Using reduction with optics,
the stepper projects an image through the mask to the photoresist on the surface. For
positive-tone photoresist, the ultraviolet light breaks molecular bonds, making the
exposed regions more soluble in the developer. In contrast, for negative-tone photoresist,
the exposure causes polymerization and thus less solubility. The exposed resist-coated
wafer is developed in an alkaline solution. Depending on the formulation of the
photoresist, a positive or negative image relative to the mask patterns can be generated.
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Aligning Masks

During CMOS fabrication, numerous mask levels (e.g., active, poly, contacts, etc.) are
printed on the wafer. Each of these levels must be accurately aligned to one another.
Registration is a measure of the level-to-level alignment error. Registration errors occur
in x, y, and z-rotations, as illustrated in Fig. 7.12.

[ le— Layer 1

Layer 2 \ /
/

| i —
/1

(a) No registration error (b) x-y registration error (c) z-rotation registration

€ITOr.

Figure 7.12 Simple registration errors that can occur during wafer-to-mask alignment in
photolithography. Other registration errors exist but are not discussed here.

7.1.5 Thin Film Removal

Typically one of two processes are performed following photolithography. One is thin
film etching used to transfer the photoresist patterns to the underlying thin film(s). The
other is ion implantation using the photoresist patterns to block the dopants from select
regions on the surface of the wafer. In this section, we discuss thin-film etching processes
based on wet chemical etching and dry etching techniques. Additionally, we discuss a
process used to remove unpatterned thin-films called chemical mechanical polishing
(CMP).

Thin Film Etching

Once a photoresist pattern is generated there are two commonly employed approaches,
wet etching and dry etching, to transfer patterns into underlying films. Etch rate
(thickness removed per unit time), selectivity, and degree of anisotropy are key
parameters for both wet and dry etching. Etch rates are typically strong functions of
solution concentration and temperature. Selectivity, S, is defined as the etch rate ratio of
one material to another given by the selectivity equation

R,
=== 7.
S R, (7.11)
where R, is the etch rate of the material intended to be removed and R, is the etch rate of
the underlying, masking, or adjacent material not intended to be removed. The degree of

anisotropy, 4, is a measure of how rapidly an etchant removes material in different
directions, mathematically given by

A= -% (7.12)
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Chapter 7 CMOS Fabrication 179

Following each major process step, cross sections will be shown. The cross sections were
generated with a technology computer-assisted design (TCAD) package called Tsuprem-4
and Taurus-Visual (2D) released by Technology Modeling Associates, Inc. These tools
simulate a defined sequence of unit processes, thus allowing one to model a process flow
prior to its actual implementation. In the interest of brevity, there are several omissions
and consolidations in the process description. These include:

1. Wafer cleaning performed immediately prior to all thermal processes, metal
depositions, and photoresist removals.

2. Individual photolithographic process steps such as dehydration bake, wafer
priming, photoresist application, softbake, alignment, exposure, photoresist
development, hardbake, inspection, registration measurement, and critical
dimension (CD) measurement.

Backside film removal following select CVD processes.
4. Metrology to measure particle levels, film thickness, and post-etch CDs.

To implement our CMOS technology, we employ a reticle set as outlined in Table
7.1. The masks are labeled as having either a clear or a dark field. Clear field masks are
masks with opaque features totaling less than 50% of the mask area. In contrast, dark
field refers to a mask that has opaque features that account for greater than 50% of the
total area. Using this mask set, we assume the exclusive use of positive tone photoresist
processing. When appropriate, representative mask features that yield isolated,
complementary transistors adjacent to one another are shown.

Table 7.1 Masks used in our generic CMOS process.

Layer name | Mask | Aligns to level | Times used Purpose

1 (active) Clear | aligns to notch 1 Defines active areas

2 (p-well) Clear 1 2 Defines NMOS sidewall
implants and p-well

3 (n-well) Dark 1 2 Defines PMOS sidewall
implants and n-well

4 (polyl) Clear 1 1 Defines polysilicon

5 (n-select) Dark 1 2 Defines nLDD and n+

6 (p-select) Dark 1 2 Defines pLDD and P+

7 (contact) Dark 4 1 Defines contact to poly
and actives areas

8 (metall) Clear 7 1 Defines metall

9 (vial) Dark 8 1 Defines vial (connects
M1 to M2)

10 (metal2) Clear 9 1 Defines metal2

passivation Dark Top-level 1 Defines bond pad

metal opening in passivation
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Chapter 7 CMOS Fabrication 211

In these cases, the die are marked, often with an ink dot, to indicate a nonfunctional
circuit. Since the processing costs of a wafer are fixed, higher yield equates to higher
profit.

Die Separation

Prior to separating the individual die, the backs of the wafers are often thinned using a
lapping process similar to the CMP process discussed in Sec. 7.1. This thinning is often
required for specific types of packages. Furthermore, thinning can aid in improving the
removal of heat from the CMOS circuits.

Next, the die are separated from the wafers using a dicing saw comprised of a
diamond-coated blade. The cutting paths are aligned to the streets or scribe lines on the
wafer. Great care is given to minimize damage to the die during this mechanical
separation. Along with the inked die, die that are observed to be damaged from the dicing
are discarded. Obviously, the separation process can reduce the yield.

Packaging

The good die are now attached to a header in the appropriate package type. The die attach
can be accomplished by either eutectic or epoxy attachment. Next, the bond pads are
wired to the leads of the package. Common wire bonding techniques include
thermocompression, thermosonic, and ultrasonic bonding. At this point, the packaging is
completed by a wide range of different processes, greatly dependent on the type of
package in which the IC resides. For instance, in plastic dual in-line packages (DIPs), a
process similar to injection molding is performed to form a relatively inexpensive
package. If ceramic packaging is required, then the attached, wire bonded die will reside
in a cavity that is sealed by a metal lid. In general, plastic (or epoxy) packages are
inexpensive, but do not provide a hermetic seal. On the contrary, ceramic packages are
more costly, but do provide a hermetic seal. For information on other packaging schemes,
the reader is referred to the list of additional reading at the end of the chapter. Finally, it
should be noted that the packaging process can add to the overall yield loss.

Final Test and Burn-In

Once packaged, the CMOS parts are tested for final functionality and performance. When
this is completed, it is common for the parts to go through a burn-in step. Here they are
operated at extreme temperatures and voltages to weed out infant failures. Additional
yield loss can be observed.

7.4Summary

In this chapter the fundamental unit processes required in the manufacture of CMOS
integrated circuits were introduced. These unit processes include thermal oxidation, solid
state diffusion, ion implantation, photolithography, wet chemical etching, dry (plasma)
etching, chemical mechanical polishing, physical vapor deposition, and chemical vapor
deposition. Additionally, a brief overview of substrate preparation was given. With this
foundation, a representative, deep-submicron CMOS process flow was provided and the
significant issues in both the FEOL and BEOL integration were discussed. Finally, an
overview of the backend processes was presented including wafer probe, die separation,
packaging, and final test and burn-in.
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Chapter

Electrical Noise: An Overview

The word “noise,” in everyday use, is any wanted or unwanted sound that can be heard.
Electrical noise has a significantly different meaning. Electrical noise is a current or
voltage signal that is unwanted in an electrical circuit. Real signals are the sum of this
unwanted noise and the desired signals. Types of noise include 1) noise resulting from the
discrete and random movement of charge in a wire or device (which we’ll call inherent
circuit noise, e.g., thermal noise, shot noise, or flicker noise), 2) quantization noise
(resulting from the finite digital word size when changing an analog signal into a digital
signal), and 3) coupled noise (resulting from the signals of adjacent circuits feeding into
each other and interfering). We focus the discussion in this chapter on inherent noise.
Quantization and coupled noise are discussed in other parts of the book, e.g., Ch. 28.

Electrical noise is introduced early in our study of circuits in this book because it
is often the limiting factor in a system’s performance. For example, the distance a radio
receiver can pick up a transmitted signal increases as the noise performance of the
receiver improves. When studying noise, the units, terminology, and procedures used in a
noise analysis can present a barrier to understanding what circuit element limits the noise
performance (that is, how the circuit’s noise performance can be improved). To obviate
this barrier, we’ll take an unusual approach: we’ll use a few simple signals and
measurements to illustrate some of the noise analysis procedures.

8.1 Signals
In this section we briefly review some fundamentals related to electrical signals.
8.1.1 Power and Energy

Figure 8.1 shows a simple sinewave. At the risk of stating the obvious, the average value
of this signal is zero. Does this mean that if this signal is applied across a resistor zero
average power is dissipated? Of course not (or else many people wouldn’t be able to cook
food or heat their homes). In order to characterize the average amount of power
dissipated by a resistor when this sinusoidal signal is applied across it, Fig. 8.2, we can
begin by writing the instantaneous power dissipated by the resistor (the power dissipated
by the resistor at a specific time ¢) as
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V(O _ V2 sin’(2n - )

Pinsl(t) = T R (81)
Summing this power over time results in
= V2 sin*Qn- L
Energy = _[ %T) -dt 8.2)

0

with units of W s or Joules (energy). Clearly, summing the instantaneous power doesn’t
result in the average power dissipated by the resistor but rather the energy the sinewave
source supplies to the resistor. Because we didn’t place an upper bound on the integration
in Eq. (8.2), the energy supplied tends to infinity. (A resistor dissipating power over an
infinite period of time is being driven by a source with an infinite amount of energy.)

V() =Vp sin(2nf- 1)

{l \ n >
—Vp J\/T \/ Time

Figure 8.1 A sinewave.

Examining Fig. 8.1 for a moment, we realize that because the sinewave is
periodic, we need only estimate the average power over one cycle (say from time zero to
T) to estimate the average power supplied to a resistor by the entire waveform. We can do
this by summing the instantaneous power for one cycle (which results in the energy
supplied by the sinewave source during this cycle) and then dividing by the cycle time T.
This can be written as

]- V3 sin’(2n- L)
0

Average power dissipated = R

1 .
T dt (83)

noting that the resistor’s value can be moved outside of the integration. This result, with
units of watts, is the mean (average) squared voltage of the sine wave signal dropped
across the resistor divided by the resistor’s value. For the sine wave in Figs. 8.1 and 8.2,
we can write

_ T 2
Mean-squared voltage = v? = %, I Vf, sin®(2x - _tf) -dt = % (8.4)
0

V() = Vp sin(2nf- 1) R

Figure 8.2 A sinewave driving a resistor.
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with units of volts squared. Equation (8.3) simplifies to the mean-squared voltage divided
by R, i.e., v*/R, or, for a sinusoid V,%/2R. This should be compared to the power
dissipated by a resistor with a DC voltage across it, i.e., ¥5c/R. When V}/2 =V}, the
power dissipation is the same. If we take the square root of the mean-squared voltage (the
result is called the root-mean-squared, RMS, voltage) or

T
RMS voltage of a sinewave, «/v_2 =Vaums = ‘/% _[ Vfa sin2(21'tf- f)-dt = Ve 8.5)
0

2

then we can say that when V,, . = V., the power dissipated by the resistor with either a
sinusoidal or DC source is the same.

Comments

Power is heat. If a circuit is battery-powered, then the less heat it generates the longer the
battery life. Batteries are often characterized by their capacity to supply power (the
potential energy they hold with units of Joules, watthours, or if the battery voltage is
known, mA-hours). A battery can also be characterized by its ability to supply a given
amount of power in a period of time (kinetic energy).

For example, two 1.5 V batteries may be rated with the same capacity, i.e.,
potential energies (say 1 W-hr, 3600 J, or 667 mA-hr) but one may only be capable of
supplying a maximum current of 1 mA, while the other may supply a maximum of 10
mA. In a one-hour period, and at maximum current draw, the first battery can supply a
power of 1.5 mW to a circuit, while the second battery can supply up to 15 mW. The
energy (kinetic) supplied at these maximums in one hour is then 5.40 J (the battery
supplying 1.5 mW for one hour) and 54 J (the battery supplying 15 mW for one hour).
Question: Which battery will discharge first? Answer: The one supplying 10 mA of
current will discharge first because both started with the same capacity. It will discharge
in 66.7 hours.

When a voltage signal containing many sinusoids (and perhaps DC) is applied
across a resistor, we add the power from each sinusoid (and DC) to obtain the total power
dissipated by the resistor. In other words, we sum the mean-squared voltages from each
sinewave (the mean-squared voltage of a DC source, V.., is ¥, ) and divide by the
resistor’s value to obtain the total power dissipated. Taking the square-root of the sum of
the mean-squared voltages, we obtain the RMS (root OF THE mean OF THE square)
value of the signal applied to the resistor. This is important because we will regularly sum
mean-squared voltages when performing noise analysis. (We regularly add the power
[mean-squared value] contributed from each noise source to a circuit.) We never sum
RMS voltages.

8.1.2 Power Spectral Density

Figure 8.3a shows spectral plots of the sinewave in Fig. 8.1. Notice how we use either a
single line or a dot to indicate spectral content at a frequency of f. Figure 8.3b shows the
spectrum of a signal containing two sinewaves and a DC component (with arbitrary
amplitudes) using lines and dots. In Fig. 8.3c we show a signal where the spectrum is
occupied with sinusoids from DC to some maximum f,. Even though we show a
constant amplitude (a continuous spectral density from DC to f_)), it is understood that
we are representing a spectrum with spectral components that are, or may be, changing.
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Figure 8.3 Spectrums of various signals (see text).

Spectrum Analyzers

A spectrum analyzer (SA) is an instrument for evaluating the spectral content of a signal.
The SA outputs plots similar to those seen in Fig. 8.3 (point-by-point). A block diagram
of an SA is seen in Fig. 8.4. The input of the SA is multiplied by a sinusoid to frequency
shift the input signal. After the multiplication, the bandpass filter limits the range of
frequencies to a bandwidth of f, (the resolution bandwidth of the measurement). The
power in the output signal of the bandpass filter is then measured. The counting index, »,
varies the measurement from a start frequency, f,,,,, to a stop frequency, £,,,,. This range of

frequencies makes up the x-axis in our spectral plots (as seen in Fig. 8.3). The power
measured at each corresponding point sets the y-axis values.

Measured power, V2,

Multiplier
Input, Vi, (¢) Bandpass Power
o filter, fres meter
R
2
€08 (271 yes - £) Power Spectral Density, @, V2/Hz
(Local oscillator) res

Figure 8.4 Block diagram of a spectrum analyzer.
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Let’s make some assumptions and give an example to illustrate how the SA
operates. Let’s assume that we want to look at the spectrum of a signal from DC (f=0=
Juar) t0 10 kHz (= £, ) with a resolution of 100 Hz (= £,,). Further let’s assume that the
signal we want to look at is a 1 V peak amplitude sinewave at 4.05 kHz in series with 1 V
DC, that is, Vis(f)=1+sin2n-4.05kHz-t V. To begin, we calculate the range of the
counting index, »,

Sstop =10 kHZ = Rpax - fres —> Pmax = 100 (8.6)

The counting index will vary from 0 to 100. In other words, the frequency of the cosine
signal in Fig. 8.4 will vary from 0 to 10 kHz in 100 Hz steps. Our plot will have 101
points.

With our input signal applied, the power at the first point, n = 0 (or for the x-axis f
= 0), is measured. The cosine term applied to the multiplier is 1. The entire input signal is
applied to the bandpass filter. In a general SA, a bandpass filter is used. In this example,
we use a lowpass filter that passes DC to < 100 Hz. The signal applied to the power meter
is (1 V). We are ready to plot the first point in the spectral analysis. For this first point at
/=0 (and n = 0), the y-axis units can be peak voltages (= 1 V), mean-squared (= 1/2 V?),
RMS (= 1/{/2V = Vs)» power (= 1/2R = V,s/R watts where the R is the input
resistance of the SA seen in Fig. 8.4), power spectral density (PSD) (= 1/[2Rf,,] with
units of W/Hz or Joules'), or voltage spectral density (= Ve / ‘/f: = 1

42 -100 with units of ¥/ Hz ).

Often we’ll use a PSD with units of ¥2/Hz. This is the result of eliminating the
resistance from the calculation so that the PSD is V3ys/fres (= 1/2f,, =5 x 107 V¥Hz for
this first point). We use the PSD in noise analysis (and elsewhere) because, for a
continuous spectrum (something that we don’t have in this example but that is common
for noise signals), increasing f, increases the power we measure (¥3,), Tesulting in a
constant number when we take the ratio ¥ 2,/fres. (The PSD of a continuous spectrum
doesn’t change with measurement resolution.) Unfortunately, when a single sinewave is
measured, increasing f, decreases the sinewave’s amplitude PSD amplitude, as seen in

Fig. 8.5.

Continuing on with our measurement when » = 1 and the multiplying (local
oscillator) frequency is 100 Hz, the output of the multiplier, in Fig. 8.4, is

cos(2n-100-7) - (1 +sin[27 - 4.05kHz - £]) volts 8.7
or knowing cos4 - sinB = %(sin [B—A] +sin[4 + B]), we get
cos (2r- 100) + %(sin [21(3.95k)¢] + sin [271(4.15k){]) volts (8.8)

This multiplier output signal (remembering n =1) contains three sinusoids with
frequencies of 100 Hz, 3.95 kHz, and 4.15 kHz. Passing this signal through the filter,
which allows frequencies from DC to < 100 Hz through, results in zero measured power.
This assumes an ideal filter that doesn’t pass 100 Hz (see the comment at the end of this

! From the units, W/Hz = W-s = J, we can tell that this is the amount of power dissipated by R
(for the frequency range of sine waves that pass through the bandpass filter) in one second (the
energy used). This shouldn’t be confused with energy spectral density (ESD) which has units of
V?*/Hz/s (or V?), for transient signals (for a finite amount of time, i.e., one second).
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PSD, V'%/Hz
A

A sine wave sticking above the continuous spectrum.

A continuous spectrum.

Fre’quency

Decreasing, fr.;/ \ Increasing, fres

PSD, V2/Hz PSD, V%/Hz
A A

Ny -
FreqT;’ency Frequency

Figure 8.5 Changing the resolution bandwidth doesn’t affect the PSD
amplitude of the continuous spectrum but does affect the amplitude
of the sine wave sticking up above the continuous spectrum.

section). In fact, it’s easy to show that we get zero measured signal until nf,., = 4 kHz.
When the local oscillator frequency is 4 kHz, the output of the multiplier is

cos (2 - 4kt) + %(sin [2m(50)¢] + sin [27(8.05k)¢]) volts (8.9a)

that is, a signal containing power at frequencies of 50 Hz, 4 kHz, and 8.05 kHz. Again,
the filter passes the signal content in the range of 0 < f< 100 Hz to the power meter.
What comes out of the filter is a sinewave at 50 Hz with a peak amplitude of 0.5 V. The
next measured point occurs when nf.. =4.1 kHz. The signal applied to the filter (the
output of the multiplier) is

cos(2m-4.1kr) + %(sin [2(—50)7] + sin [2n(8.15k)¢]) volts (8.9b)

The regative frequency signal present here can be thought of as a phase-shifted positive
frequency signal. Because the sine function is an odd function, sin(-2nf?)
=—sin(2nf- f)=sin(2nf- t £ ©), there is still spectral content at 50 Hz. The signal applied
to the meter is, again, a 50 Hz sinewave with an amplitude of 0.5 V. The total (measured)
signal amplitude from the 4.05 kHz component of the input is the sum of the measured
signal amplitudes when nf.. is 4 kHz and 4.1 kHz (that is, a sum of 1 V). When plotting
points, the amplitudes at measured adjacent points are summed. For example, we can plot
a point at 4.05 kHz with an amplitude of 1 V by summing the measured signals when nf,

is 4 kHz and 4.1 kHz. We can plot points at 3.95 and 4.15 kHz with amplitudes of 0.5 V
because at 3.9 kHz and 4.2 kHz (= nf}.s), we have zero measured signal.

Looking at the spectrums of signals using a discrete Fourier transform (DFT) of
analog waveforms is analogous to using an SA, to look at spectrums. For more detailed
information on using both a DFT and an SA the interested reader is referred to the book
CMOS Mixed-Signal Circuit Design. In this book additional information and discussions
are given on these topics.
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8.2 Circuit Noise

The electrical noise coming out of a circuit can be measured using a SA, as seen in Fig.
8.6. The circuit under test (CUT) is connected to a spectrum analyzer with no source
signal applied. If the noise coming out of a CUT is lower than the noise floor of the SA, a
low-noise amplifier (LNA) is inserted between the CUT and SA to help with the noise
measurement (the measured noise is then increased by the LNA’s gain). As mentioned in
the previous section, we generally plot PSD versus frequency to ultimately characterize
the power in a signal or the signal’s RMS value.

No source signal, Vs =0
\A Inlz Circuit VDnoi\se(f) Spectrum

£ under §. analyzer
v £ 5
R, = test S '\ ‘ ‘

Noise from circuit under test (CUT)

Figure 8.6 Circuit used for noise measurement.

8.2.1 Calculating and Modeling Circuit Noise

Figure 8.7 shows a time domain representation of a noise signal. If this noise signal’s
PSD is called V2 ,(f) (units, ¥ 2/Hz), we can determine its RMS value using

Su
I Vr?oise(_f) : df‘ Volts (8 1 0)
f

where f, and f,, are the lowest and highest frequencies of interest. If the noise PSD is flat
(often called a “white noise spectrum” after white light that contains spectral content at
all visible wavelengths), then this equation reduces to

Virus = (.fH_fL) ) V:oise(.f) = ‘/E Y Vsoixe(f) (81])

where the bandwidth of the measurement, B, is f,, — f;.

%%
=
‘d:g
=

L'

+t+t

—> time

Figure 8.7 Time domain view of circuit noise.
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Input-Referred Noise 1

Noise is measured on the output of a circuit. It can, however, be referred back to the input
of the circuit for comparison with an input signal. This input-referred noise isn’t really
present on the input of the CUT. This is especially true for CMOS circuits where the
input to a CUT may be the polysilicon gate of a MOSFET. While a direct tunneling gate
current noise may be present it's generally much less important than the average (DC)
tunneling gate current and usually a very small contributor to the measured output noise.

Consider the amplifier models seen in Fig. 8.8. Figure 8.8a shows the measured
output noise PSD. We can calculate the input-referred PSD, Fig. 8.8b, by simply dividing
the output PSD by the gain, 4, of the amplifier squared (or divide the voltage spectral

density, = 4 PSD , by the gain).

v:
Rx onolse(f)

Out (a)

Noiseless amplifier Measured output noise

Vuznaise(f)/A 2
R,

{> Out (b)

Vs
Input-referred noise

Figure 8.8 Input-referred noise.

Example 8.1

Suppose the measured noise voltage spectral density on the output of an amplifier
is a white spectrum from DC to 100 MHz (=B =fi—/1) and has a value of 10
nV/JHz . Estimate the amplifier’s input-referred noise if its gain is 100.

The amplifier’s output noise PSD is
2
Vo2noise(f) = (10 nV/\/Hz) =100 x 10_18 VZ/HZ

The RMS value of this spectral density is

100MHz
Vunuise,RMS = I 100 x lo—lSdf =100 HV
0

Referring this noise back to the input of the amplifier results in

Vonoise,RMS

— .2
v 1uV (8.12)

Vinaise,RMS =
u
Noise Equivalent Bandwidth

In the previous example, the bandwidth of the noise calculation was given. However, we
may wonder, in a real circuit, how we determine f; and f;,. In the ideal situation, we would
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where NEB is the noise-equivalent bandwidth. Rewriting Eq. (8.11), we get

Vonoise,RMS = VNEB ) V VZF,nai:e (816)

Of course this assumes Vny,,m, is constant until the frequency approaches f, .

Example 8.2
Repeat Ex. 8.1 if the amplifier’s output noise power spectral density starts to roll
off at 1 MHz as seen in Fig. 8.10.

We begin by using Eq. (8.16) directly, that is,

V onoise.RMS = f3dB : g Ty VZF,naise (8]7)

which evaluates to 12.5 pV. The gain of the amplifier is 100 so V., e = 125
nvV. &

~18
Vel ), V3IHz Ve 1) = 10210 y2p
] ()
100 x 10718 106
Decrease in noise power by 10
% LzF ) for every increase in frequency

/by 10, i.e., —~10 dB/dec.

Srag =1 MHz

v
<

Figure 8.10 Measured output noise spectrum for the CUT discussed in Ex. 8.2.

In this example, we assumed the voltage gain of the amplifier was 100
independent of frequency when we calculated the input-referred RMS noise voltage. In
practice, the frequency response of the noise may follow (be correlated with) the
amplifier’s frequency response. If this is the case, we can write the frequency response of
the amplifier in Ex. 8.2 as

V A 100
A(fy=—2ow - Apc__ 100 8.18
S3a8 Sds

where f, ; = 1 MHz. We can determine the input-referred noise PSD using

ng)ise(f) _ VEF,noise X 1+ (f/f‘3d5)2 — VZF,noise (819)

ANHI1Z 1+ (flfsap)? Abc A%

showing the input-referred PSD of the output noise is a flat spectrum from DC to infinity!
The problem with this is that if, to determine the RMS input-referred noise, we integrate
this PSD over an infinite bandwidth, we get an infinite RMS voltage. We must remember
that the input-referred noise is used to model (with obvious limitations) the circuit’s
output noise (again, you can’t measure input-referred noise because it isn’t really there!).

V?m)ise(f ) =
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Input-referred noise is only used to get an idea of how a circuit will corrupt an input
signal. This latter point is important because two amplifiers with identical bandwidths
may have the same output noise PSD but different gains. The amplifier with the larger
gain will have a smaller input-referred noise and thus result in an output signal with a
better signal-to-noise ratio. Knowing that the output noise is bandlimited and that the
input-referred RMS voltage should reflect this, we can write

2
NEB - VLF,noise Vanaise,RMS

Vinaise,RMS = ADC = ADC (820)

which is, of course, what we used in Ex. 8.2.
Input-Referred Noise in Cascaded Amplifiers

Figure 8.11a shows a cascade of noisy amplifiers with corresponding input-referred noise
sources. The output noise power in (a) can be written as

Vgnoi:e,RMS = (A ]A 2A 3)2 Vizrmi:e,RMSI + (A 2A 3)2 Viznoi:e,RMSZ + A§ Vizrtoise,RMS3 (82 1)

again remembering that we add the noise powers from each amplifier. The input-referred
noise in (b) is given by

Vi%roixe,RMS = Viznaise,RMSl + Vmatse RMSZ/A + Vmolse rusy/ (414 2)? (8.22)

The key point to notice here is that the noise of the first amplifier has the largest effect on
the noise performance of the amplifier chain. For good noise performance, the design of
the first stage is critical.

motse RMS1 ' Vlnaxse RMS2 \ morse RMS3
: | Out
@ b ’ @ b " @ b onmse RMS (a)
I Second stage E Third stage
) 1

2 2 2
Vinoise,RMSl + Vinoise,RMS'Z/Al + Vmoue,RMSS/(A 1A2)

First stage

Out
& k Vonaise,RMS (b)

Figure 8.11 Noise performance of a cascade of amplifiers.

Example 8.3
Comment on the limitations of Egs. (8.21) and (8.22) for calculating noise.

Measured output noise usually includes the thermal noise of the source resistance.
If the effective source resistance changes when we cascade the amplifiers, the
value calculated for input-referred noise, ¥, avs Will also change.

A perhaps more important concern is the change in the bandwidth of the noise.
Cascading amplifiers results in a reduction in the circuit’s bandwidth. The point of
Eqgs. (8.21) and (8.22) is still valid, that is, that the first stage’s output noise and

IPR2023-00698
Theta EX2019



224 CMOS Circuit Design, Layout, and Simulation

gain (equivalent to saying “input-referred noise”) are critical for overall low-noise
performance. However, to accurately determine the input-referred noise, it is best
to measure the noise on the output of the cascade and then refer it back to the
cascade’s input. At the risk of stating the obvious, the gain of the cascaded
amplifiers is determined by applying a small sinewave signal to the cascade’s
input at a frequency that falls within the amplifier’s passband (not too high or too
low). Taking the ratio of the cascade’s output sinewave amplitude to the input
sinewave amplitude is the gain. The input-referred noise is then the output RMS
noise divided by the gain of the overall cascade. B

Calculating V., .., ayis from a Spectrum: A Summary

Before leaving this section, let’s show, Fig. 8.12, a summary of how the output RMS
noise voltage is calculated from a noise spectrum.

V()Znoise(f)9PSD’ V%/Hz
A

> Verms = | Vi) df
0

L

~V

The power spectral density, PSD, is RMS volts
squared per resolution bandwidth.
Vonoise( f), volts RMS, V'

A @

Vgnoise(f )
_ Vuznoi:e,RMS = J— -df
0 _fres
To get the PSD, we divide the power by the
resolution bandwidth of the spectrum analyzer.
See Fig. 8.4 and associated discussion.

L

<V

Vonoise( f ), volts peak, V'

A © 1,2
Vonoi:e(f )
_—> Vc?naise,RMS = I 2 f ’ df
0 res

B

> Same as above except we need to divide the
f peak voltage by root 2 to get RMS voltages.
(Divide the squared output noise by 2.)
Ponoise(f),PSD, W /Hz
A =
E— Vgnoise.RMS = _[Ri'l : PO'lOiSE(f) ) df
N\ 0
N\ ; We multiply the power by the input resistance of

the spectrum analyzer. The result is RMS volts
squared per resolution bandwidth.

VDFTnoise (B + fres ), vOlts peak, V'

A

It e
® 5 fres = Resolution of the DFT
n M = Number of points in the DFT

. . M-l 12
T Discrete Fourier Transform P2 s = Z Vorr(n - fres)
—_—> onoise, -

Figure 8.12 Calculating RMS output noise from a noise spectrum.
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8.2.2 Thermal Noise

Noise in a resistor is primarily the result of random motion of electrons due to thermal
effects. This type of noise is termed thermal noise, or Johnson noise, after J. B. Johnson
who is credited for first observing the effect. Thermal noise in a resistor can be
characterized by a PSD of

Va(f)=4kTR with units of V¥/Hz (8.23)
(noting thermal noise is white and independent of frequency) where
k = Boltzmann’s constant = 13.8 x 10~ Watt -sec/° K (or J/° K)
T = temperature in °K

R = resistance in Q

Example 8.4

Verify that the thermal noise PSD given by Eq. (8.23) does indeed have units of
V¥Hz. The term kT has units of Joules (or Watt'sec) and can be thought of as
thermal energy. The units for Joules can be written as

kT, units = Joules = Watt-sec = volts-amps-sec = volts-columbs

knowing amps = columbs/sec. The units of resistance, R, can be written as

volts _ volts - volts
amps  columbs/sec  columbs - Hz

The units for thermal noise PSD, 4kTR, are then V¥/Hz. B

R, units of Q =

Figure 8.13 shows how the thermal noise from a resistor is modeled and added to
a circuit. The output noise PSD in (a) is (4kT/R) - R?* (we multiply by R?). Heat (power) is
absorbed by the resistor when it is not at 0° K. The heat causes lattice vibrations in the
resistive material and thus randomizes the motion of electrons moving in or traveling
through the resistor. The net current that flows out of the resistor due to heat is zero but,

R
akT

J§: = = Output 2 _ Output
#() R R notige Vi(f)=4kTR @ notils)e

I(f), A*/Hz Vi(f), V¥/Hz

A A
4kT 4kTR
R
>f >f
@) ®

Figure 8.13 Circuit representations and their corresponding PSDs for thermal noise.
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over a finite period of time, the current crossing the terminal of a resistor may have a net
nonzero value (either into or out of the resistor). In other words, electrons move back and
forth from the resistor to the metal wire with an overall net zero charge transfer but, over
a short finite period of time, a net nonzero current flow is possible.

The term kT, at 300 °K, is 4.14 x1072! Joules. For a one-second time frame, again
at 300 °K, the resistor dissipates 4.14 x1072! Watts (absorbs this much heat from a heat
source). For one hour, the energy supplied to keep the resistor heated to 300 °K is
(3600 5)-(4.14 x 1072 watts) = 14.9 x 1078 Joules.

Example 8.5
For the circuit shown in Fig. 8.14, determine the RMS output and input-referred
noise over a bandwidth from DC to 1 kHz. Verify your answer with SPICE.

+ Noise circuit
10k

in +
1k th % Ok @ @ % nmse(f)

Figure 8.14 Circuit used in Ex. 8.5.

The PSD of the noise currents are given by (again noting, as seen in Fig. 8.6, that
we apply zero volts to the input when calculating output noise PSD, that is, we
ground the input)

4-(13.8 x 1074)- (300 L a4
Po(f)=24 10000)( ) _ 1.66x 102 42 —>110k(f)~129x10‘2JE

2 _ o4 A% _ 12_A4
R =166 X107 £ 5 Iu( =41 x10 L

Hz

The output thermal noise PSD due to the 10k resistor is
1k-10k :
Bolf)- [ T Ok} units V'2/Hz
In order to avoid analyzing circuits in a different way, (for example, V2 = I’R?,
i =givi, V2=I*(R, +Ry)*, etc.), we can use the voltage or current spectral
densities (square-root of PSD) of the noise when doing circuit noise calculations

Vie(f) =Lo(Sf)- lllf+11(())l;c units ¥/{Hz

which evaluates to 1.2 n¥/J/Hz . The output noise voltage-spectral density Vi(f)
from the 1k resistor is 3.7 n¥/{/Hz . The total output noise PSD, ¥ o,,,,,se( 1), is the
sum of mG( f) and Vlk( f). Again, we sum the PSDs (or power) but not the
voltage-spectral densities (or the RMS voltages).
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The mean-squared output noise voltage over a bandwidth of 1 kHz is

1kHz

[ (i + Vi) -dr=151x107 v2

S,
Vuznuise.RMS = I V(fnaise(f )-df=
L 0

The RMS output noise voltage is

Vanaise.RMS =123 nV
The input-referred noise voltage is

Vinaseass = 123n7- L8k 1 35 4
SPICE simulation gives an output mean squared noise of 1.5053 x 107 V*(= 123
nV RMS) and an input-referred noise referenced to an input voltage of 1 V of

1.8215 x 1072 (= 1.35 uV RMS). The SPICE netlist is shown below.

*** Example 8.5 CMOS: Circuit Design, Layout, and Simulation ***

.control
destroy all
run

print all
.endc

.noise  v(2,0) Vindec 100 1 1k

R1 1210k

R2 201k

Vin 10 dcOac1
.print noise all

.end

The SPICE output is seen below

TEMP=27 deg C

Noise analysis ... 100%
inoise_total = 1.821510e-12
onoise_total = 1.505380e-14

A bandwidth of 1 to 1,000 Hz was used in this simulation rather than DC to 1
kHz. Also note that the reference supply, Vin in the netlist, was a voltage, so the
units of the SPICE output are V2, The input AC source has a magnitude of 1 V, so
the input noise SPICE gives is divided by 1 V squared. If we had used a 1 mV AC
supply for Vin, then the inoise_total above would be 1.8215 x 10 V2,

Here, in SPICE, we used a single input-referred voltage source to model the
input-referred noise, see Eq. (8.22) and the associated discussion. In SPICE we
always refer the input noise to a source (voltage or current) and not to a node (like
we do in our analysis). This means that the input-referred noise in SPICE is
always a single source in series (voltage input) or parallel (current input) with the
input of the circuit. B
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Example 8.6
Estimate Vonoiserms for the circuit seen in Fig. 8.15. Verify the answer with
SPICE.

In ,/_ Noise circuit
4kTR
+ 10k
10k In
Vi +
" + 1 pF Vonoi.w(f)
g 1 pF Vuut - —_

Figure 8.15 Circuit used in Ex. 8.6.

The only element in this circuit that generates noise is the resistor. It generates

thermal noise. The resistor’s noise voltage spectral density is y447TR . The output
noise spectral density is then

Vorisol ) = JARTR —U0C__ VIR oo v
1/joC+R 1+jf

Ssan

or
v:o(f)= 4kTR _ _ 4kTR _ __4kTR

|1+jﬁl2 - (W)Z T 1+ (flfsas)?

where f3s3 =1/2nRC. This single-pole roll-off was the reason we discussed
noise-equivalent bandwidth (NEB) earlier, Ex. 8.2. Using Eq. (8.17), the output
RMS noise voltage is

units, V?/Hz

: = |1_.z = |&T
Vonoisesss = || 5—o - 3 - 4kTR / c (8.24)

The RMS value of the thermal noise in this circuit is limited by the size of the
capacitor and independent of the size of the resistor. This result is very useful.
This “Kay Tee over Cee” noise is frequently used to determine the size of the
capacitors used in filtering or sampling circuits.

The SPICE netlist and output are seen below.
“** Example 8.6 CMOS: Circuit Design, Layout, and Simulation ***

.noise  v(Vout,0) Vin dec 100 1 1G
R1 Vin Vout 10k

C1 Vout 0 1p

Vin Vin 0 dc 0 ac 1

.print noise all

.end

TEMP=27 deg C
Noise analysis ... 100%
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inoise_total = 1.695223e-07
onoise_total = 4.101864e-09

Using Eq. (8.24) at 300 °K, we get Vﬁ,mise,RMS =4.14x 107 V2. This is close to
what SPICE gives above for onoise_total (close but not exact; we stopped the
simulation at 1 GHz not infinity). The output RMS noise is 64 pV (keeping in

mind that the peak-to-peak value of the thermal noise will be larger than this).

The input-referred noise, inoise_total, in this simulation example is
somewhat meaningless. Changing the stop frequency in the simulation from 1
GHz to 10 GHz has little effect on the output RMS noise but does cause the
input-referred noise to increase. As indicated in Eq. (8.19) and the associated
discussion, the input-referred noise spectral density increases indefinitely.
Integrating this spectral density from DC to infinity results in an infinite RMS
input-referred voltage. Since the low-frequency gain here is one, we would specify
V ]

I/l‘rmi_ve,RMS = onoise, RMS"

V,',, Vaut

Figure 8.16 A sample-and-hold circuit.

For an example of the usefulness of Eq. (8.24), consider the sample-and-hold
circuit seen in Fig. 8.16. When the MOSFET gate is driven to VDD, the MOSFET
behaves like a resistor and permits ¥, to charge the capacitor. When the MOSFET is off,
the capacitor remains charged and the MOSFET behaves like an open. The voltage on the
capacitor doesn’t change again until the MOSFET turns back on. We can think of the
sampling operation as sampling both the input signal and the kX7/C noise onto the
capacitor. Table 8.1 provides a comparison between capacitor sizes and k7/C noise.

Table 8.1 Capacitor size and corresponding £7/C noise at 300 °K.

Capacitor W A
size, pF
0.01 640
0.1 200
1 64
10 20
100 6.4
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8.2.3 Signal-to-Noise Ratio
Signal-to-noise ratio, SNR, can be defined in general terms by

_ desired signal power, P;
" undesired signal power (noise), Proise

SNR (8.25)

SNR can be specified using dB as
SNR = 101og -2 (8.26)

noise

If the power is normalized to a 1-Q load (e.g., Ps = VSZ,RMS/(I Q)), we can write

Py Vs
SNR = 101og -2 = 201og IP: =20log ¥ 8.27)
P roise [ Proise Vnoi:e,RMS
Current signal with noise
Voltage signal with noise P
I in 3
Vm 4:
I ruts R 4kTB ‘; Rin=0
R; ¢ (ideal)
(a) Input voltage source (b) Input current source

Figure 8.17 Calculating input SNR.

Figure 8.17 shows two equivalent input sources with associated thermal noise
models. With the ideal R, the SNR associated with these circuits is (noting ¥Zgys
=r s - R2) an open (voltage input) or a short (current input)

VZ,RMS I Z,RMS

SNR;, = —= = 8.28

" 4kTR;B ~ 4kTBIR, (8.28)

In Fig. 8.17a, V,, is dropped across an infinite R,, (an open). In Fig. 8.17b, I, drives zero
R, (a short). In the practical case, R,, is finite and nonzero. For Fig. 8.17a, the input signal
and noise are attenuated by the voltage divider formed between R, and R,,

Vorms [RRi"R ] Vorms
SNR;, = %, 12~ 3KTR.B (8.29)
4KTR.B-| 7o |

which has no effect on the SNR,. We can also show that there is no change in SNR,, if R,
is nonzero in Fig. 8.17b.

Examine the amplifier model with noise seen in Fig. 8.18. The output noise,
V onoise s> includes the thermal noise contributions from R. We measured the output noise
with the source connected to the amplifier (see Figs. 8.6 and 8.8). The SNR associated
with the output of the amplifier (where the noise is due to the amplifier and the thermal

noise from R)) is then
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2
2 Rin 2
Viws [ r | -4
2
Vonaise,RMS

SNR g = (8.30)

Vonoise,RMS

Out

Vs R

Figure 8.18 Calculating output SNR.

Input-Referred Noise Il

When we discussed input-referred noise in Fig. 8.8, we tacitly assumed that the input
resistance of the amplifier R, was infinite. The input-referred noise could then be
modeled with a single voltage source in series with the input signal source V.. Keeping in
mind that we are measuring V,, .., -, at a fixed value of R,, Fig. 8.19a, we can show that
if the amplifier’s input resistance R, is not infinite, this single input-referred voltage
source can still manage to model the amplifier’s output noise. Looking at Fig. 8.19b, we
can write

in

R,‘,,+

A Vinoise,RMS . R = Vonaise,RMS (83 1)

If the input resistance R, goes to infinity (common for low-frequency CMOS amplifiers)
or R is zero (a voltage source is connected to the amplifier’s input), a single
input-referred noise voltage is ideal for modeling the output noise. (And we’ll use this
simpler model in most of our noise discussions in this book.)

Measured output noise

Vom)ixz,RMS

Out

(a)

V'm)'
Rx In inoise, RMS
8 Out
+
Ri" Vin

A-Vi, (b)

Figure 8.19 Modeling measured output noise with a single input-referred source.
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Using a single voltage source to model input-referred noise does have some
limitations though. For example, what happens if our input signal is a current (meaning R,
is infinite), as seen in Fig. 8.20a? In this case, the input-referred noise voltage is
irrelevant. The input voltage is independent of ¥, ., x, (the output of the circuit is free of
noise). To avoid this situation and to make the input-referred noise sources independent
of R, we can use the noise model seen in Fig. 8.20b. The output noise using this model is

AR\’ ARRin \* ARiw _\’
Voznoise,RMS = 4kTR;B : (mj +Itgnoise,RMS . (m) + Vl%mise,RMS N (Rs +;in)

(8.32)

noting that we sum the power from each source to get the total output noise power. It’s
important to note that our input-referred sources no longer depend on the thermal noise
contributions from the source resistance (we’ve added it separately). Looking at Eq.
(8.32), we see that if R_is zero or infinite, the thermal noise contributions from R, to the
output noise are zero. We should also see that if R,, is large (or R_ is small), ¥, . z\s alone

is sufficient to model the input-referred noise. Similarly, if R, is large (or R,, is small),
I, s ries 2lone can be used to model the input-referred noise.

Vinois e, RMS
In
8
I % (@
R 4k TR B mese RMS
In
y 8 @ Out
®)
I; inoise,RMS' ‘Q in

Modeling input-referred noise with both voltage and current noise sources.

Figure 8.20 Using two input-referred noise sources to model an amplifier’s output noise.

Example 8.7

Discuss how to determine V., rys a0d I, i, prsc.
Looking at Eq. (8.32), we see that if R, is zero, then V., ., is sufficient to model
the output noise. We can therefore write

Vo [e] .
Vinoise. RMS = w (¥, moise.ns Measured with R, shorted) (8.33)
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If R, is infinite (think of the input as seen in Fig. 8.17b), then I, . ... is sufficient
to model the amplifier’s output noise

inoise.jMS = V"'“"Z’% (¥ oise r1es Measured with R opened) (8.34)
in
a
Noise Figure
The noise figure, NF, of an amplifier is given by
_ SNRin _ .
NF=10log SNR,, 10log[noise factor, F]  (8.35)

If the amplifier doesn’t degrade the SNR, then the input and output SNRs are the same, the
noise factor, F, is 1, and the NF is 0 dB. Using Eqgs. (8.29) and (8.30), we can write the
NF as

Vi
NF =10log ""‘"“;R’”S - (8.36)
4kTR.B-| e ]"- 42
When the measuring bandwidth B is small (common for narrowband amplifiers used in
communication circuits), we are measuring the spot NF (noting, from Eq. [8.10], the
bandwidth used to calculate V. q\ is reduced). If the measuring bandwidth is large
(common in general analog CMOS design), we are measuring the average NF.

The numerator in Eq. (8.36) is the total output noise power and the denominator is
the output noise power due to the source resistance, that is,

_ total output noise power
output noise power due to source resistance

(8.37)

If the amplifier is noise-free (V. zps = V4KTRsB - A - Rin/[Rin + R;], that is, the output
contains only the thermal noise from the source resistance), the NF is, again, 0 dB. For a
low-noise amplifier (LNA), the NF may typically range from 0.5 to 5 dB.

Note that if SNR,, is infinite, the NF is meaningless. Infinite SNR,, could occur if
we use the impractical case, see Fig. 8.17, of R, = 0 (an ideal voltage source input where,
also, ideally R;, = ©) or R_ = =« (an ideal current source input where, also, ideally R, = 0).

An Important Limitation of the Noise Figure

Looking at Eq. (8.36), we see that if R, is large compared to R_(R,,>> R ), F approaches

2
_ Vono ise,RMS

F= 8.38
4KTRsB - A* (8.38)

This equation shows why CMOS amplifiers work so well for low-noise amplification
with large source resistances. At low frequencies, the gate of the MOSFET is an open. If
we take R; — oo, then F goes to 1 which is a perfect noiseless amplifier right? After
reviewing how R_affects SNR,, in Eq. (8.29), we see that the cost for this good amplifier
NF is an SNR,, that approaches zero. The input voltage signal is so noisy that it makes the
amplifier noise irrelevant and thus the NF is 0 dB. Note that if R,, is infinite, we must use
the model seen in Fig. 8.17a. In Fig. 8.17b I,, would be zero if R;, = .
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Example 8.8
Suppose an input signal source has an SNR of 60 dB and a source resistance R..
Further, suppose this signal is amplified with an amplifier having an NF of 1 dB
when driven from a source with a resistance R_. Estimate the SNR on the output of
the amplifier.

We can begin by rewriting Eq. (8.31)
NF = 1010g SNR, — 1010g SNR e (8.39)

illustrating the beauty of using the NF. That is, SNR_, is calculated by subtracting
the NF from SNR, . In this case, the SNR_,,is 59 dB. B

out

Example 8.9
Calculate the input-referred noise, F, and SNRs for the circuit seen in Fig. 8.21.

j/&/\ln Out

=+
=
=

Figure 8.21 Circuit used in Ex. 8.9.

Let’s begin by adding the noise voltage spectral density to the circuit, Fig. 8.22a.
The output noise PSD is

) R: 2 R 2
Vonaise(f) = 4kTRs[Rm + Rs :| * 4kTRi”|:Rin + R::|

To determine ¥, we integrate this PSD over the bandwidth of interest B or

onoise, RMS?

s I , R. 2 R 2
V . - . . — in . 5
onoise,RMS f! Vanaue(f) df 4kTBR~Y\: Rin + R.v :| +4kTBR '"[ Rin + R: :|

Noting our gain 4 (= V,,,/V, not ¥, /V,) is one, we can use the model shown in
Fig. 8.22b. To determine the input-referred noise sources, we can use Eq. (8.32)
and the results in Ex. 8.7. To determine V., z..c, We short the input to ground (R,
=0 in Fig. 8.21 and the equation above), Fig. 8.22c, and equate the circuit output

t0 Voo rats THiS gives
Vonoise,jus,Rs=0 = Vinoise,hpts = 0

To determine 1, ., 4\, We open the input (R, =o0), Fig. 8.22d, and equate the

circuit’s output to ¥, . ... (from the equation above). This gives

4kTB
Rin

2 2 2 _ —
Rin : Iinoise,RMS = Vonoise,RMS,R.Foo = 4kTBR"' - Ii'lOi—W»RMS =

The input SNR is given in Eq. (8.29). The output SNR, Fig. 8.22¢, is
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J4KTR, @ JAkTR,, @

Vuut
R-‘ R in

N N

(a) Adding noise sources to the circuit.

Vanoise,RMS

In

I inoise,RMS R in Vin

(d) Opening the input.

R J 4kTRB

s

8 In Out
+
VS \! 4£TB é R inéVin él—l/m

(e) Input-referred noise model.

Figure 8.22 Noise analysis procedure for Ex. 8.9.
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Virus - [RR'; ] Ve
SNRoui = st i = 5.RMS (840)
Vgnai:e,RMS 4kTB - R(1 + R,/Rin)
The noise factor is then
R
F=1+2% 8.41
Rin ( )

To minimize the NF, we can decrease R, or increase R,,. Decreasing R causes
SNR,, and SNR_, to increase, as seen in Eqgs. (8.29) and (8.40). At the same time,
increasing R,, causes SNR_, to move towards SNR,, Eq. (8.40), resulting in F
moving towards 1. B

in®

Optimum Source Resistance

Looking at Eq. (8.36), notice that if R, approaches a short or an open, the NF' gets really
large. To determine the optimum source resistance (to minimize NF), let’s write F using
Egs. (8.32) and (8.36) as
_ 4KT. RsB +1 t?noise,RMS R.% + VI%IDiSE,RMS
- 4kTR,B

Taking the derivative with respect to R_and setting the result equal to zero (to determine
the minimum), results in

(8.42)

2
12 2.1 R ol inoise, RMS Vinoise RMS 2Vinoise,RMS aVinoise,R MS (
inoise,RMS + 2~ Linoise, RMS " I\s * OR - R > + R . 2R -
s ) s s

(8.43)

Since the input-referred noise sources do not vary with R, (the derivatives are zero), we
can write the optimum source R, ,, as

I/inoise
Ry = 20iseRMS (8.44)

I inoise,RMS

From Ex. 8.9 we can use this equation to see that R, ,, = 0.

To determine the optimum noise factor F,, we can substitute Eq. (8.44) into Eq.

(8.42) to get 7

( Vino ise.RMSk']{gxoise,RMs )/2 (8 45 )

The best noise performance is characterized by a ratio of the input-referred noise power
of the amplifier, (Vinoise,gas - Iinoise,aMs)/2, to the thermal power (the thermal energy AT in a
bandwidth of B). This result isn’t too useful because it indicates that for good noise
performance we need to use an amplifier with low input-referred noise power (which is as
profound as saying “to get good noise performance use a low-noise amplifier”).

Fopr=1+

Simulating Noiseless Resistors

To verify the NF of a circuit using SPICE, it may be useful to replace one or more
resistors with elements that don’t generate noise. To simulate a noiseless resistor, a
voltage-controlled current source (VCCS) can be used, Fig. 8.23. Current flows from
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node1 nplus
+
cplus L
R1 cminus gain in mhos
node? nminus
R1 node1 node2 1k G1 nplus nminus cplus cminus 0.001
@) (b)
n1
Models a noiseless 1k resistor ——> @ 1e-3
GR1n1n2n1n21e-3
n2

(©
Figure 8.23 Modeling a noiseless resistor in SPICE.

node1 to node2 in the resistor of (a) while it flows from nplus to nminus in the VCCS
in (b). The current in (b) is controlled by the voltage applied to the controlling nodes
cplus and cminus. The input to the VCCS is a voltage, and the output is a current
(meaning the gain is current/volts or transconductance). To implement a noiseless
resistor, we can use the VCCS where the controlling nodes are tied across the VCCS, as
seen in (c). The value of the resistor is one over the transconductance of the VCCS.

Example 8.10
Suppose, in Fig. 8.21, R, is 10k and R, is 1k. Use SPICE to verify the value of
noise factor derived in Ex. 8.9 (that is, Eq. [8.41]).

Using Eq. (8.41), the noise factor is 11 (NF = 10.4 dB). Note that Eq. (8.41) is not
dependent on bandwidth. We simulated this circuit already in Ex. 8.5 over a
bandwidth of 1 to 1kHz. The result was a V7. pys Of 1.5053 x 10°14p2,
Referring to Eq. (8.37), this is the “total output noise power.” To determine the
“output noise power due to source resistance,” we can replace R,, with a noiseless

resistor, as seen in Fig. 8.24. The SPICE netlist is given below.

*** Example 8.10 CMOS: Circuit Design, Layout, and Simulation ***

.control
destroy all
run

print all
.endc

.noise  V(Vout,0) Vs dec 100 1 1k

Rs Vs Vout 10k
Gin Vout 0 Vout O 1e-3
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In Out

10k +
v, W 1e3

out

A4

Figure 8.24 Replacing Rin with a noiseless resistor.

Vs Vs 0 de 0 ac 1
.print noise all
.end

TEMP=27 deg C

Noise analysis ... 100%
inoise_total = 1.655918e-13
onoise_total = 1.368527e-15

The noise factor is calculated from the simulation results as

_ 15053 x107Mp2 _
===l
1.3685 x 10" p2

which is what we calculated using Eq. (8.41). B

CMOS Circuit Design, Layout, and Simulation

In a general SPICE simulation, we can determine F by eliminating the noise

contributed by R.. To do so, we first need to rewrite Eq. (8.37) as

_ total output noise power
" total output noise power — total output noise power with R, noiseless

(8.46)

Example 8.11
Using SPICE and Eq. (8.46), calculate the noise factor of the circuit in Ex. 8.10
(verify, once again, that it is 11).

Again, as determined in Ex. 8.5, the total output noise power for this circuit is
1.5053 x 1074 ¥ 2. If we simulate the noise performance of the circuit in Fig. 8.21
with R being noiseless, we get

TEMP=27 deg C

Noise analysis ... 100%

inoise_total = 1.655918e-12
onoise_total = 1.368527e-14

Using Eq. (8.46), we get

P 1.5053 x 10-14 _
1.5053x 1074 — 13685 x 10714

Simulating with a noiseless source resistor is the preferred way to simulate NF
with SPICE. B

11
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Noise Temperature

Sometimes the term noise temperature is used to characterize the noise performance of an
amplifier. In Fig. 8.25a we measure an amplifier’s output RMS noise, V.., pys» With the
input source connected but with ¥, = 0 (the source contributes thermal noise to the output
noise PSD). In Fig. 8.25b we refer this noise back to the input of the amplifier (this
input-referred voltage includes both the amplifier and source resistance noise). After
referring the noise back to the input, we think of the amplifier as being noiseless. In Fig.
8.23¢ we remove the input-referred source but, to have the same output noise as in (a) or
(b), we change the effective temperature of the source’s resistor and include its
corresponding thermal noise model. By adjusting the temperature of the source resistor in
our calculations (called the noise temperature, T,), we can get the same total output noise
power as in (a) or (b). We can relate the noise factor to the noise temperature by
re-writing Eq. (8.36) as

Output noise from Rs Amplifier’s output noise alone

RintRs RintRs

;lkTRSB-Al-( R )2+ 4kT"RSB-A2.(_‘iL_)2 .

F= Output noise from Rs =1+ 7 where T" 20
2 Rin 2
4kTRB - A* - (R’WR:)
(8.47)
R Noi
Vs = Oi& A% amo;sy Vanaise,RMS
(a)
Rx Vinoise,RMS
e Noiseless
V4 amp
. , . (b)
Source resistance’s thermal noise Same output noise
R\‘,MkTRs JHT,R, /
e Noiseless
N T=T, / amp
Models amplifier’s noise. (©)

Figure 8.25 Determining the noise temperature of an amplifier.
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where T is the temperature, in Kelvin, at which the total output noise was measured in (a).
We know that if the amplifier is noiseless, F = 1. A noiseless amplifier has T, = 0. Note
that we could now relate Eq. (8.47) to Eq. (8.45) to write the optimum noise temperature
of an amplifier in terms of R . Again this wouldn’t be too useful because it would state
that we should use an amplifier with a low input-referred noise power to get a low value
of T, (good amplifier noise performance).

Table 8.2 provides a listing of NF's and the corresponding values of F and T,. Note
that an NF, less than 3 dB indicates that more than half of the output noise is due to the
thermal noise of the source resistance.

Table 8.2 NF's and corresponding values of F and T, (with 7 = 300° K).

Noise figure, | Noise factor, | Noise temp,
NF, dB F T,°K
0 1 0

0.5 1.12 36.61
0.75 1.19 56.55

1 1.26 77.68
1.5 1.41 123.8
2 1.59 175.5
3 2 298.6
4 2.51 453.6
5 3.16 648.7

Averaging White Noise

Before moving on, let’s comment on what happens if we average white noise (like
thermal noise or shot noise discussed next). If the number of samples averaged is K, then
the spectral density, and RMS value, of the noise is reduced by K. For thermal noise, we
would rewrite Eq. (8.23) as

Vs = ‘”‘T% with units of ¥ (8.48)

Averaging can be thought of as lowpass filtering the random signal. Looking at Eq.
(8.48), we see that the RMS value of the noise is reduced by the square root of the
number of points averaged. Reviewing Ex. 8.6 (kT/C noise), we see the same result.
Increasing C reduces the bandwidth of the thermal noise in the output of the RC circuit.

This then causes the RMS value of the output noise to decrease by the root of C.

Figure 8.26a shows a noisy voltage signal with no averaging. The peak-to-peak
amplitude of this waveform is roughly S divisions. In (b) we are averaging 4 of the
waveforms in (a). We expect the amplitude to go to 5//4 or 2.5 divisions. If 16 averages
are used, we should get an amplitude of 1.25 divisions, Fig. 8.26¢c. Finally, Fig. 8.26d
shows how the noise is reduced if 64 waveforms are averaged. We would expect an
amplitude of 5/ J64 or 0.625 divisions.
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(a) No averaging.

' I
1 |
| | LRl 4l | o
1 i | ‘ 4 averages.
el ! I et + | - B ) |
1 4 l
| ©
; 16 averages.
¢ e e 1 A

: Ak A (d)
¥ 'I'IH pa ““ ! 64 averages.

———— > time

Figure 8.26 Averaging reduces the amplitude of white noise.
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8.2.4 Shot Noise

Shot noise results from the discrete movement of charge across a potential barrier (e.g., a
diode). To understand the origin of shot noise, imagine dumping marbles onto a table. As
the marbles move around on the table, some will fall to the floor. The rate the marbles
drop to the floor is random even though the rate we dump them onto the table may be
constant. When current flows in a diode (when we dump the marbles onto the table), the
movement of charge across the depletion region is random (the rate the marbles fall to the
floor is random). For example, when a majority carrier, say an electron (a marble on top
of the table), moves into the space-charge region (falls off the table), the electric field
sweeps it across the junction (gravity causes the marble to fall to the floor). On the p-type
side (the floor), where it is now a minority carrier, it diffuses out until it recombines (the
marble moves until it stops). Note the name “shot” has to do with using shot from a
shotgun shell (little balls of lead or, nowadays for waterfowl, steel used in shotgun shells)
in the example above instead of marbles.

The power spectral density of shot noise can be determined empirically and is
given by

oo ) = 2qlpc with units of A2/Hz (8.49)

Shot noise is different from thermal noise (although both are modeled with a white noise
PSD). Recall that the carriers can randomly move either into or out of the resistive
material (with net zero charge transfer) due to thermal noise. Thermal noise is present
even without a current flowing in the resistor. For shot noise to be present, we must have
both a potential barrier and a current flowing. (There is net charge transfer with an
average equal to the current flowing across the barrier.) The movement across the barrier
is random and in one direction (the marbles don’t hop back up on the table).

Shot noise is not present in long-channel MOSFETs (however, see the discussion
in [4]). Shot noise is present in short-channel MOSFETs (¢, < 20 nm) because of the gate
tunneling current. When a long-channel MOSFET is operating in the saturation region,
the entrance of charge into the depletion region, between the channel and the drain, has a
discrete nature. However, this discrete movement is the result of thermal variations in the
MOSFET’s channel resistance and not carriers crossing a potential barrier and being
swept up by an electric field.

Example 8.12
Estimate the output noise in the circuit seen in Fig. 8.27a. Verify your answer with
SPICE. Assume that the diode’s minority carrier lifetime (see Ch. 2) is 10 ns.

1k
A% Out lOut
17 ? % 1k 25 _‘_4 00 pF
(@) 16.66 x 1024 42/Hz ®) \ 2
(Resistor’s thermal noise PSD) 320 x 10-*A4*/Hz

(Diode’s shot noise PSD)
Figure 8.27 Calculating output noise for Ex. 8.12.
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Figure 8.27b shows the circuit used for noise analysis. The diode is
forward-biased at roughly 0.7 V. One volt is dropped across the 1k resistor and so
1 mA of current flows in the circuit. The diode’s small-signal resistance is

noting that the small-signal resistance of the diode does not generate thermal noise
(it’s a model) but that any diode series resistance will. (We set the diode’s series
resistance to zero in the SPICE model statement for this example.) The diode’s
storage capacitance is

_Ipc . _ir_
Cs= Vs =y =400 pF

The diode’s shot noise PSD is
If,m,(f) =2gIpc=2-(1.6x 10719y 1m4 =320 x 10~244%/Hz

The resistor’s thermal noise PSD was calculated in Ex. 8.5 as 16.66 x 10~*42/Hz.
The circuit output PSD is then the sum of the thermal and the shot noise
contributions times the parallel connection of the 1k and 25 ohm resistors or

V2 o) =336.6 x 10724 . (2511k)* =200 x 102 V¥/Hz

To calculate the output RMS noise voltage, we need to integrate this PSD from
DC to infinity as indicated in Fig. 8.12. However, notice that this circuit has a
single time constant of (1kl125)-400pF or approximately 10 ns (the diodes
minority carrier lifetime). The noise equivalent bandwidth, NEB from Eq. (8.15),
is roughly

1 m_
NEB = 5— o 3 =25 MHz

The RMS output noise is then

Vomoise.ms = 425 x 108 x 200 x 10721 =223 u¥
The SPICE netlist and simulation output are seen below.

*** Example 8.12 CMOS: Circuit Design, Layout, and Simulation ***

.control
destroy all
run

print all
.endc

.noise  V(Vout,0) Vs dec 100 1 100G
Vs Vs 0 dc 17 ac 1

Rs Vs Vout 1k

D1 Vout 0O Diode

.model Diode D TT=10n Rs=0

.print noise all
.end
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TEMP=27 deg C

Noise analysis ... 100%
inoise_total = 3.592225e-05
onoise_total = 5.257612e-12

The RMS output noise calculated using SPICE is v5.26x 10712 =228 p¥ .
Again note that the input-referred noise is meaningless in this example, as seen in
Eq. (8.19) and the associated discussion. B

Example 8.13

Estimate the output noise in the circuit seen in Fig. 8.27a if the diode’s anode and
cathode are swapped. Assume that the diode’s zero bias depletion capacitance CJO
is 25 {F, its built-in potential VJ is 1 V, and its grading coefficient m is 0.5.

The diode is now reverse-biased. The small reverse leakage current that flows in
the diode will result in shot noise but it will be tiny compared to the thermal noise
generated by the resistor. To calculate the shot noise PSD, we use the reverse
leakage current for /,,.. in Eq. (8.49). Because the diode is reverse-biased, it can be
thought of as a capacitor. The value of the diode’s depletion capacitance is
calculated as

__Co __25fF _
o (1+%)m m 152 fF

We can use the circuit seen in Fig. 8.28 for the noise analysis. After examining
this figure for a moment, we see that the output RMS noise is simply, from Ex.
8.6 and Eq. (8.24), kT/C noise. For this example then, Vongiserms =521 pV
(verified with SPICE). The fundamental way to reduce the noise is to decrease the
bandwidth of the circuit by increasing the capacitance shunting the output.
Changing the resistor size has practically no effect on the RMS output noise. B

Out

1

16.66 x 10724 4%/Hz 1k 152 fF

Figure 8.28 Calculating output noise for Ex. 8.12.

8.2.5 Flicker Noise

Flicker noise is a low-frequency noise and is probably the most important, and most
misunderstood, noise source in CMOS circuit design. Flicker noise is also known as pink
noise (a reddish color present in the lower range of the visible spectrum) or 1/f noise
(pronounced “one over f” because its PSD, as we shall see, is inversely proportional to

frequency). Before going too much further, let’s do an example.
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Example 8.14
Estimate the output noise PSD and the RMS value for the integrator circuit seen
in Fig. 8.29 (which includes the only noise source, that is, the thermal noise from

the resistor). Assume that the op-amp is ideal (noiseless, infinite gain, and infinite
bandwidth).

e
I

4T — Out
Vs R +
0

Figure 8.29 Integrating thermal noise.

The op-amp will keep the inverting input at the same potential as the noninverting
input, that is, ground. This means that all of the thermal noise from the resistor
will flow through the feedback capacitor (both sides of R are at ground). The
integrator’s output noise PSD is then

L |* 4T _ 4T 1 2

ol "R =R 2n0)? .fz units of V' 2/Hz

Noise with a 1/f PSD shape is often called red noise, Fig. 8.30. Looking at this
spectrum, we see that the noise PSD becomes infinite as we approach DC.
Remember, from our discussion at the beginning of the chapter concerning how a
spectrum analyzer operates, that a point representing the PSD at a particular
frequency is the measured power, ¥y, divided by the resolution bandwidth of
the spectrum analyzer, f, (that is, Vius/fres). To make the low-frequency
measurements, . must decrease, e.g., go from 1 Hz to 0.01 Hz to 0.00001 Hz,
etc. A DC signal (or a sinewave for that matter, see Fig. 8.5) results in an infinite
PSD point if we take fres — 0.

Vaznaise(f )=

10-log flz VYHz
-20 dB/decade

Decrease in noise power
by 100 for every increase

in frequency by 10.

Noise power, dB

Ny
T >

log f
Figure 8.30 PSD of integrated thermal noise (red noise).
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Let’s use Eq. (8.10) to determine the RMS output noise voltage for this circuit

Sy
o .d=ﬂvZ._1_.(L_L] 8.50
onoise,RMS ﬁ[ onozse(f ) f R (21! C)z fL fH ( )

If we take fi — oo, this equation becomes

Vonoise,RMS = ﬂ g ’l_ . 1 (851)

R 2C [

If we call the length of time we integrate (or measure an input signal since
integrators are often used for sensing) 7, ., then we can get an approximation for
lower integration frequency as

Tmeas szL (8.52)
or, rewriting Eq. (8.51),
Vonoise,RMS ~ %1 . ’2% Y T meas (853)

This result is practically very important. If we average (the same as integrating,
which is just summing a variable) a signal with a 1/f2 noise spectrum (integrated
thermal noise), the RMS output noise voltage actually gets bigger the longer we
average (unlike averaging thermal noise, see Eq. [8.48]). A signal containing 1//*
noise (e.g., integrating flicker noise) shows a linear increase in its RMS noise
voltage with measurement time. The result is an SNR that doesn’t get better, and
may get worse, by increasing the measurement time. These results pose a limiting
factor when imaging in astronomy. The night sky contains this type of noise
(flicker, red, etc.). We can make images brighter by exposing our imaging system
for longer periods of time but the images don’t get clearer. B

Flicker noise (a name used because when viewed in a light source flickering is
observed) is modeled using

By(f)yor Vi (f) = FJ}’N units of A2/Hz or V?/Hz ~ (8.54)
where FNN is the flicker noise numerator. The RMS value of a 1/fnoise signal is
"t ENN f
Vi ierus = | L2 df= FNN - InZ2 units of 72 (8.55)
b / fi

If £, is 100 GHz and f, is once every 107'° Hz (roughly once every 320 years), this
equation becomes

Vyoiserms =7+ Y FNN Volts (8.56)

where FNN has units of V2. After reviewing Ex. 8.14, we can write

V noise,kMs o€ v In Tmeas (857)

For all intents and purposes, V, . zys Stabilizes as measurement time increases.
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Example 8.15

The input-referred noise voltage spectral density of the TLC220x (a low-noise
CMOS op-amp) is seen in Fig. 8.31. The input-referred noise current is not shown
but listed on the data sheet as typically 0.6 f4/ JHz (a tiny number and so it will
be neglected in the following example). For the unity follower op-amp seen in
Fig. 8.32, estimate the RMS output noise voltage.

x> “FTTT TTIm =5V
|; | Vpp =5V

S Fligker noise Rg =206

z 50 ’ Ta=25C

I I

& rq

= 4

2

:

4 30 \

5 \ |

2 1/f noise corner

-

é 20 »’

2 \‘Z Thermal noise
5 M

I:

>

0
1 10 100 1k 10k

f - Frequency — Hz
Figure 8.31 Input-referred noise for the TLC220x low-noise op-amp.

2
The input-referred thermal noise PSD is roughly (8 nV/ ,/Hz) . The square root

of the flicker noise input-referred PSD is

FNN

7 56nV by looking at f=1 Hz

mar:e l/f(f)

then
FNN=(56 nV)* =3.14x 10-5p2

—— Out

N

Figure 8.32 Estimating RMS output noise in a voltage follower.
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As a quick check we see, in Fig. 8.31, that at 4 Hz the spectral density is roughly
28 nV/yHz or

-15172
Vi"afse,le(f)=JM =‘/3.14><10 V2 _ 560V _ e, 1 [T

7 4Hz v

Note, in Fig. 8.31, that the point where the thermal noise PSD gets comparable to
the 1/f noise PSD is sometimes called the 1/f noise corer. Because the gain of the
op-amp is one, we can write the input or output noise PSD as

2 . .
Vinoise, .y (S ), flicker noise
—— thermal noise

2 _ 2 _ 3.14x107B T8 . 5
anoise(S ) = Vinoise(f) = —f + 64 x 10718 with units of V */Hz

To determine the output or input-referred RMS noise voltage, we integrate this
noise spectrum. The gain-bandwidth product of the op-amp is roughly 2 MHz.
This means, because the closed-loop gain of the op-amp is one, its f,,, frequency
is 2 MHz. Knowing the £, , of the circuit, at least for the thermal noise, we can use
Eq. (8.15). With the help of Eq. (8.56) for the flicker noise contributions, we can
then write

using Eq. (8.56) using Eq. (8.15)

Voznaise,RMS = Vi%mise,RMS = 49-(3.14x107%) + (64x1071%)- (2 x 10°)- %

or noting the main contributor here is thermal noise. (The contributions from
flicker noise, relative to the thermal noise present, fall off quickly above 10 Hz.
Therefore, not using the amplifier’s bandwidth when calculating the flicker noise
contributions doesn’t result in any significant error.) Solving this equation gives

Vom)ise,RMS = Vinaise,RMS =15 HV

or roughly 100 pV peak-to-peak if the noise has a Gaussian probability
distribution function, Fig. 8.33, (where the standard deviation 1o is the RMS
value of the noise voltage and the peak-to-peak value is roughly 6c).

Probability density function, PDF

2 A
PDF = 1 exp [_ﬂj Peak-to-peak variation, 6

/TN

Amplitude variation
o withtime

Volts, ¥V poise

WY

Standard deviation = RMS voltage

Figure 8.33 Gaussian probability distribution.
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Note that this last result is useful for any of the RMS values we’ve calculated.
To get an estimate for the peak-to-peak amplitude of the noise, we simply
multiply by 6. Going the other way, we can estimate the RMS value of a noise
waveform by looking at its peak-to-peak amplitude in the time domain and
dividing by 6. B

Example 8.16

On the TLC220x data sheet, the equivalent RMS input noise voltage for
frequencies between 0.1 Hz and 1 Hz is 0.5 pV peak-to-peak. Verify this result
with the data given in Fig. 8.31.

Using the numbers from the previous example, we see, in this 0.9 Hz bandwidth,
that the contributions from thermal noise are negligible. The contributions from
Flicker noise, using Eq. (8.55), are

2 Tt314x108
inoise,RMS — I———_—-

cdf=3.14x 10715 . In-L-
T 4f=3.14x 101

or

Vinoise,gms = 85 n¥V’

The peak-to-peak input-referred noise voltage is roughly six times this or 510 nV
(verifying the specification matches the data we get with the plot). B

Example 8.17
Estimate the input-referred noise for the circuit seen in Fig. 8.34.

This amplifier is a transimpedance amplifier, that is, current input and voltage
output. The amplifier takes the current generated by the photodiode and converts
it into an output voltage. The low-frequency gain of the amplifier is R, or 100k.
The 1,000 pF feedback capacitor limits the bandwidth of the circuit to reduce
noise. The photodiode is reverse-biased. Its noise contributions are related to the
conversion of light to electrons (which we won’t add to our noise analysis). The
diode’s reverse leakage current will be small and so the shot noise contributions to
the circuit noise will be insignificant. The op-amp holds the diode’s anode at a
fixed potential (ground). The diode’s junction capacitance won’t affect the noise
in the circuit (both sides of the capacitance are at AC ground).

Rr =100k
Bias voltage VIV
Cr=1,000pF

Light
p— |

Photodiode — Out

N

Figure 8.34 Estimating RMS output noise in a transimpedance amplifier.
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The basic noise circuit for Fig. 8.34 is seen in Fig. 8.35. All of the output is
fed back to the input so that the op-amp’s thermal and flicker noise sources appear
directly in the output signal (to keep the inverting and noninverting terminals at
the same potential). The resistor’s thermal noise (keeping in mind that we only
look at one noise source at a time so that the inverting and noninverting inputs of
the op-amp are at 0V), will create an output voltage that is the product of the noise
current and the parallel combination of the 100k and 1,000 pF.

® Resistor noise,%
100k
/NN —9
1,000 pF

—f——

3.14x 1071

h 1 noi
Flicker noise Thermal noise

Figure 8.35 Noise model for the transimpedance amplifier in Fig. 8.34.

The output noise PSD can then be written as

TR

1+(2wrpcr)
. 2
2 _3.14x107 . 4T | Re-1joCr
Vonoise(f) = f +64x10°+ _RF ——RF+ l/j(DCF

We should recognize the last term in this PSD as simply £7/C noise (Ex. 8.6). The
bandwidth of the amplifier can be determined using Fig. 8.36 as

Vv 1 Rr
=R, =You _p =
AS) =R == FHjOJCF 1+joRFCr

Rr
VvV

Cr
i

d Vout

Figure 8.36 Determining the transfer function of a transimpedance amplifier.
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or using

1
2nRFCF

Srap=

which, for the present example, is 1.59 kHz. We can estimate the output RMS
noise remembering the gain-bandwidth product, f,, , of the op-amp is 2 MHz and
noting that the transfer function of the input-referred noise to the output is one as

—154x10-15 =200x10712 :4:2"2
V owisesiss =49+ 3.14x 10715 + 6410715 - 2.2 ez + g
F

Vonoiseoms = 4/ (0.392)% + (14.14)2 + (2.07)2 =143 pV’

noting that the op-amp's thermal noise dominates the output RMS noise. Our
estimate for the flicker noise is high. However, it’s easy to throw some numbers in
for high and low frequencies in Eq. (8.55) and convince ourselves that the result

isn’t impacted too much. For example, we used In 11[?}1'0 ~ 49 (yes, it’s closer to 48

but we use 49 because the square-root is a whole number, i.e., 7) when we derived
Eq. (8.55). If we were to use instead ln%}i17 (a million times smaller upper

frequency), we get 34.5 (a square root of roughly 6). The impact on the result is
too small to worry about (unless, of course, the bandwidth is very narrow as in Ex.
8.16).

Dropping the feedback capacitance to 1 pF increases the bandwidth to 1.59
MHz and increases the RMS output noise due to R, to 64 pV.

Our output signal is determined using is-Rr. An SNR,, of 0 dB, in this
example with C, = 1,000 pF, would correspond to an i, of roughly 143 pA. If we
wanted an input signal to produce an output that is larger than the peak-to-peak

value of the output noise (here, from Fig. 8.33, > 6 x 14.3 uV), then i, > 858 pA4.
]

Example 8.18
Verify Ex. 8.17 using SPICE. Use a voltage-controlled voltage source for the
op-amp (neglect the op-amp noise).

The schematic used for simulations is seen in Fig. 8.37. Instead of connecting the
op-amp’s noninverting input (the + input) to ground directly, we connect it to

RF
Used just so SPICE has " VWV
an input-referred source. 2 Cr
£ I
I
Vout

100 MEG

Figure 8.37 Using a voltage-controlled voltage source for an op-amp in SPICE.
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ground via a zero volt DC supply so that, in the simulation, we have an “input.”
(Recall comments about how the AC magnitude of this input source affects the
input-referred noise calculation on the bottom of page 227.) The SPICE netlist is

Comment line; the first line of a netlist is ignored by SPICE

.noise V(Vout,0) Vplus dec 100 1 1000G
Vplus Vplus 0 dc 0 ac 1
Rf Vout  Vminus 100k
Cf Vout  Vminus 1000pf
Eopamp Vout 0 Vplus  Vminus 100MEG
.print noise all
.end
The SPICE output is

TEMP=27 deg C
inoise_total = 4.142190e-12
onoise_total = 4.142190e-12

For the 1,000 pF capacitor, this gives 2.03 pV. Resimulating with the 1 pF
capacitor, gives 64.3 pvV. i

8.2.6 Other Noise Sources

Thermal and flicker noise are the dominant noise sources in CMOS circuit design;
however, there are other noise mechanisms. In this section we briefly discuss other types
of noise, including random telegraph signal (aka burst or popcorn) and avalanche noise.

Random Telegraph Signal Noise

Random telegraph signal (RTS) noise is seen, in the time-domain, in Fig. 8.38. RTS noise
is often called popcorn or burst noise. When a signal containing RTS noise is played on a
speaker, the RTS noise component sounds like popping comn or the sound a telegraph
makes. The origin of RTS noise is thought to be related to how generation-recombination,
GR, centers affect the diffusion of carriers in a pn junction. If gold, for example, is
introduced into a semiconductor, its inclusion results in nonuniformity in the silicon
crystal lattice and thus additional GR sites. With a large number of these sites present, the
variation in the diffusion rate, that is, the rate that the carriers diffuse away from a
depletion region, can be significant. Since an RTS noise burst, Fig. 8.38, can last
hundreds of microseconds, it is likely that at times more sites are filled and thus more
carriers can diffuse further into the diode with a smaller number landing in a
recombination site. This results in a build up of stored charge in the diode. The popping
in the signal occurs when this additional stored charge exits the diode.

Although RTS noise doesn’t have a Gaussian noise distribution, its PSD can be
modeled using

Bors(f) = KB nies of 42/H (8.58)
S
(%)
where K¢ has units of 4/Hz and f, , (e.g., 100 Hz) is the point where the noise starts to
roll off and is related to the number of pops per second, Fig. 8.39. Note that at very low

frequencies, RTS noise is white (like thermal and shot noises). However, at higher
frequencies, the noise rolls off as 1/
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S noise ~d T
o RS o L__ M :

T RTS noise

Figure 8.38 RTS noise viewed in the time domain.

Lirs (f) ]

A 1

Krrs - Ipc sz
—NX
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Figure 8.39 PSD of RTS noise.

Excess Noise (Flicker Noise)

Thermal noise in a resistor is present independent of the amount of current flowing in the
resistor, as seen in Eq. (8.23). However, there is also flicker noise present in the resistor,
dubbed excess noise, see Eq. (8.54). Flicker noise is present whenever a direct current
flows in a discontinuous material (e.g., a material’s surface or the interface between a
MOSFET’s gate oxide and the silicon used as the channel of the MOSFET). The
electrons “jump” from one location to the next while sometimes being randomly trapped
and released. Excess (flicker) noise is not dependent on temperature, unlike thermal
noise, and so it can be especially troublesome when making low noise, temperature, and
frequency measurements.

Avalanche Noise

When the electric field in a reverse-biased pn junction gets really large, carriers are
accelerated to a point where they can strike the lattice and dislodge additional
electron-hole pairs. The result is an increase in diode current. This additional generation
of current is termed avalanche multiplication and is used in many Zener diodes to break
the diode down. Tunneling is used in the lower voltage, < 6 V, Zener diodes which may
have a shot noise spectrum because carriers tunnel across a potential barrier. Avalanche
breakdown is a very noisy process. A typical PSD (noting a dependence on the current
flowing in the reverse-biased junction) is 10~1V2/Hz. The PSD is generally white, which
has led to the use of Zener diodes as white noise generators, Fig. 8.40. In low-noise
design it can be challenging to design a low-noise voltage reference using a Zener diode.
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Big

}——White noise out

Figure 8.40 A Zener diode-based white noise generator.

Avalanche noise can also be troublesome in small geometry CMOS processes
where a large drain-source voltage can lead to avalanche multiplication (and thus make
MOSFET thermal noise appear to be very large).

8.3 Discussion

In this section we’ll provide additional discussions and examples to help explain
electrical noise.

8.3.1 Correlation

Consider the two signals seen in Fig. 8.41. If the RMS values of v;(¢) and v, (¢) are called
Vigus a0d Vop, e, respectively, then the power dissipated by the resistor is

Vinwss + Virwss (8.59)
R

as discussed in Sec. 8.1.1 and used throughout the chapter. Let’s look at this in more
detail because it’s easy to show that under certain circumstances this equation is
misleading (and wrong!). In particular, if the two voltages sources are correlated, we can
get a totally different value for the power the resistor dissipates. For example, we know
that the voltage dropped across the resistor is vi(f)+v2(f). What happens if
vi(f) = Vp-sinQ2af-t) and vy(¢) = Vp - sin(2nf- ¢+ ) (Which, of course, is the same as
vo(f) = =Vp - sin[27f- £]). The two sinewaves sum to zero. The voltage dropped across the
resistor is zero and so is the power dissipated by the resistor. In a noise analysis, if our

Py =

Vl(t)

%R

~

v;([)

Figure 8.41 Series combination of voltage signals.
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noise sources are correlated, then we can’t simply add their noise contributions on the
output of a network as we’ve done throughout the chapter. If the noise sources are
correlated, the analysis can be much more challenging.

To describe how signals can be correlated in a little more detail, we can write,
from Eq. (8.1),

Pinst(t) — V;(t) — [V](t) "I'avl(t)]z (860)
AR RO0)
=R TR*Y R (8.61)

The first two terms in the equation are independent. We can calculate the RMS value of
these terms, and thus the average power supplied to R from each source, using

Vi __1 T @ (8.62)

R Tmeax 0 R

where T, is the amount of time used to measure the average power. Of course, we use
this equation twice (once for each source) and then sum the average powers to get the
average power supplied to R (which is Eq. [8.59]). If no correlation exists between v,()
and v,(7), then the third term in Eq. (8.61) is zero. A simple example of two signals with
no correlation are sine waves with different frequencies. Because each sinewave will go
positive and negative (the signals are no longer squared and thus always positive), the
summation of the signal (the integration) results in zero power added or subtracted from
the total power. An example of 100% correlation is when

vi(f) = va(f) = Vp - sin2nf- ¢ (8.63)

The signal applied to R in Fig. 8.41 has a peak amplitude of 2V, , an RMS value of
2Vp/J2 , and supplies a power to R of 2V2/R. Using Eqs. (8.61) and (8.62), we can write

100% correlation

——
Ve Vi 2Vh  _2V3

Pug=sp+5p+ T (8.64)

We showed an example of —100% correlation a moment ago when
vi(f) = Vp-sin2nf- t and vy(f) = —Vpsin 2nf- ¢ (8.65)
or
—~100% correlation

PAVG=';1%+;/_I§ + %—I{ﬁ:O (8.66)
In general, the correlation between two waveforms is specified using C as

Virms + Varas + 2CV1rusVarus (8.67)

where -1 <C< 1. If C is zero, no correlation exists (again what we’ve used throughout
the chapter). An example of two signals partially correlated are two sine waves at the
same frequency but different amplitudes or phases. Note that this discussion used RMS
values for the signals. However, it is also possible to discuss correlation in PSDs.
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Correlation of Input-Referred Noise Sources

When we discussed input-referred noise and derived Eq. (8.32), we assumed zero
correlation between 1, ., pc and ¥V, .. ... We can rewrite Eq. (8.32) without the thermal
noise from the source resistance and with the help of Fig. 8.42 as

V2 e (AR ) s + Iss - R (8.68
onoise,RMS — Rs+Rin [ inoise, RMS inoise,RMS J] ( . )

If the correlation is zero, Eq. (8.68) is equivalent to Eq. (8.32) (without thermal noise
contributions from R). With correlation, we can write

2 ARin 2 2 2
VO"OBG,RMS = (R +R; ) [ Vinoise,RMS +1in0ise,RMS ° Rs +2C- Vinaise.RMS ’ ]inoi.ye,RMS]
s in

(8.69)

To use the input-referred noise models, we generally assume no correlation (C = 0)
between I, .. s @0d V. e In @ practical circuit, the correlation can be significant

i

because both are derived from the same noise mechanisms.

V inoise.RMS +
V

In Rin

I inoise,RMS

Figure 8.42 Correlation calculation of input-referred noise sources.

Complex Input Impedance

We’ve used a real input resistance in all of our calculations in this chapter. It’s
straightforward to extend our discussions and derivation to a general input impedance, Z, .
Our input voltage divider changes to

Rin Zin
R;+Rin Rs+2Z;, (870)
When we multiply this divider by, say, V., to get V,, we use
. 2
Vi Vo Znl 2 _pr_1Zul? ®.71)
|R;+Z;‘n| |R5+Zin12

It’s important to take the magnitude before squaring. For example, if Zi, = 1/joCi =
—j/oCi,(the input impedance is a capacitor), then the correct way of calculating the
denominator in Eq. (8.71) is

2
IRy +Ziml?2 = (,/Rf +(1/wCin)? ) =R+ (1/0C:)>  (8.72)
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The incorrect way is

real term imaginary term

[ te——— —
IRs + Zin|* # |(Rs + 1/j@Cin)(Rs + 1/jdCin)l = | R2 + Va?CZ, +j-(=2/6Cin) |

2
= ‘/(R§+l/m2cf,,) +(2/wC;,)* (again wrong!)

(8.73)

It appears that there may be correlation in the equation above but it is really just bad
complex algebra. We used the magnitude squared earlier in Eq. (8.13), that is,
[1+j(fifsas)|* or 1+(ffsa)*. The point is to always take the magnitude of the
expressions prior to squaring.

Let’s use a complex input impedance, Z, to derive the optimum source
resistance, Eq. (8.44). As we saw in Ex. 8.7 and 8.9, we measure the output noise with R,
shorted (or a big capacitor placed across the input of the circuit, which is essentially a
short for all frequencies of interest) or opened to determine the input-referred noise
sources. If the measured output noise (excluding thermal noise contributions from R,)
doesn’t change with variations in R, (quite common in amplifiers whose bias is
independent of R, like AC-coupled input amplifiers, but not the case for the circuit in Ex.
8.9), that is,

Vonoise,RMS.Rs=m = ¥ onoise,RMS,Rs=0 = Vonoise,RME (874)
and the input-referred noise sources are uncorrelated then, for a real input resistance,
Rsopr =Rin (8.75)

We may think that we can get both maximum power transfer and the best noise
performance by matching the input resistance to the source resistance. However, if we use
a complex input impedance, Eq. (8.75) becomes

Riopt =1Zinl = |Rin + jXin| = R}, + X5, (8.76)

which can be valid without regard for maximum power transfer. Knowing that the
requirement for maximum power transfer is making the source impedance the complex
conjugate of the load impedance, we see that if the source impedance is purely real, it will
be impossible to achieve maximum power transfer when the input resistance has an
imaginary component. In radio-frequency circuits (narrow bandwidths where the
impedances are relatively constant), impedance transformation circuits are used to
improve both power transfer and noise performance. From the source side, the input
impedance is transformed to maximize the transfer of power. From the input side, the
source impedance is transformed to provide the best noise performance.

Example 8.19

Suppose an amplifier has an output noise PSD, V,noise( f), of 1 p¥/ JHz (we get
this PSD if R_is a short or an open), a gain of 100, and an input capacitance of 1
pF (infinite input resistance). Determine the input-referred noise sources for the
amplifier.
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With the input shorted, Fig. 8.43a, we get an input-referred noise voltage spectral
density of

A4- Vim;ise(f) = Vom)ise(f) =1 HV/\/E

or since 4 = 100

Vim)ise(f) =10nV/ Q/ Hz
With the input opened, Fig. 8.43b, we get

I'n'e [
Iinoi:e(f)' lZin| A=%F)100=1 }lV/ Hz

or

Tinoise( f) = 62.8 x 102" - £ A/ JHz

Ry =
i Vinoixe(f ) l+ 100- Vin :‘
Input shorted |In | Vi ! Out

o Cin

(a) I molse( f ) T_
___________________________________ ‘ Same
i 8 ) output
i U 100- ¥, noise,
! Vmozse( f ) + in '

Input opened In | . Cin=Vin i Out 1 uV/JHz

! Imoue(f) ! -V . (f)

(b) : — ! onoise

Figure 8.43 Determining input-referred noise in Ex. 8.19.

Note that the spectral density increases with f (Fig. 8.44). The noise current
contributions to the output noise is insignificant until the frequency gets
comparable to 1/(2nR,;Ci,) (noting that squaring 7, . ( f) and integrating to find
the RMS value results in an f° term). Unless the source resistance, frequencies of
interest, or input capacitance are relatively large, the single input-referred noise
voltage source is all that is needed to model the amplifier’s output noise. B

I inoise (f )

3>
>

s

Figure 8.44 Input-referred noise current increasing with
frequency when the input impedance is capacitive.
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8.3.2 Noise and Feedback

Figure 8.45a shows the basic block diagram of a feedback circuit. In Fig. 8.45b we show
the input-referred noise source. The output of the summer in (a) or (b) can be written as
Vin— B - Vou. The output of the circuit in (b) is

Vaur = [( Vin - BVout) + Vinoise,RMS] A (877)
or
Vour = —A— . (Vin + Vinosse kass) (8.78)
ui 1+ ﬁ Y, in inoise, .

In other words, feedback doesn’t affect the circuit’s noise performance. The
input-referred noise adds directly to the input signal independent of the feedback. In
practical circuits, the addition of resistors to provide feedback degrades the noise
performance of the amplifier.

Vonoise,RMS
In N\ ] Out
Vi > > > > Vou
+) L4 ] N\ '
(a)
| < [ | <
< l [} I <
Vonoise
Vmuise,RMS = —A,RAIE
In () j\ 1 Out
Vi > > > > Vou
+) N\ LA '
(b)
< | | <
< | [3 l <
Figure 8.45 Noise in a feedback circuit.
Op-Amp Noise Modeling

Figure 8.46a shows how input-referred noise sources are added to an op-amp to model
output noise. The input-referred noise current is connected to the inverting terminal of the
op-amp, while the input-referred noise voltage is connected in series with the
noninverting terminal. Figure 8.46b shows the general implementation of a feedback
amplifier using an op-amp, including noise sources modeling the resistor’s thermal noise.
If the input to the op-amp circuit is on the left side of R,, then the gain to the output is
inverting, (—R2/R). If the input is connected directly to the noninverting terminal of the
op-amp, then the gain is positive, (1 +R2/R;). Remember, we look at only one noise
source at a time (superposition) when we calculate the total output noise. Also, remember
that the op-amp, through the feedback action, holds the inverting terminal at ground.
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I inoise( f )

(a) Vonoise(f )

—E—b

Vinm'xe( f )

I J4KT/R,
J4KT/R
f@_l I inaise( f )
AN — -

(b) <7 Rl ——— Vonoi:e(f)

N
Vinoise(f )
Figure 8.46 Modeling op-amp noise.

Let’s write the output noise, for Fig. 8.46b, in terms of the input-referred noise
sources and the thermal noise from the resistors. Because both sides of R, are at ground
(one side is physically tied to ground while the other side is held at ground by the
op-amp), we can write

Vel )= Vi 1)-(1+ ) [W,,se(f)ﬁ” ‘jﬂ R (879

The gain of this circuit for the sake of calculating bandwidth is (1+R2/R;). The
closed-loop value of bandwidth is written in terms of the op-amp’s gain-bandwidth
product, . (= the frequency when the open-loop gain of the op-amp is unity, see pages
792-793) as

op-amp’s gain-bandwidth = f,, = (1 + %) - faaB (8.80)
1
The NEB, Eq. (8.15), can be written as
T R
NEB = 5 Sun R+R (8.81)

Assuming that the input-referred sources are not correlated and the NEB of the output
noise limits the RMS values, see Eq. (8.15) and associated discussion, we can write

Vonoise.asts = ‘[ Vel ) B S i (8:82)

where V2,...(f) is assumed to be white until it roll-offs with the amplifer’s bandwidth,
Fig. 8.9b.
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As an example, Fig. 8.47 shows the input-referred noise sources for the LT1364
op-amp. Neglecting the low-frequency (flicker) noise, we see that ¥V, . (f) =9 nV/ JHz
(=e,inFig. 8.47)and I, (f)=0.85 pA/ JHz (= i, in Fig. 8.47). From the datasheet, the
gain-bandwidth product ( £, ) of this op-amp is nominally 70 MHz (and so an op-amp in
a gain of 10 (= 1 + R2/R)) configuration has f, , = 7 MHz).

Equations (8.79) and (8.82) can be interpreted in many ways. If our op-amp is
used as a transimpedance amplifier as in Fig. 8.34 (Ex. 8.17), then we want R, to be
infinite to minimize the output noise. We think of the input source, i, , as a current
connected to the inverting op-amp input, the amplifier as having a gain of |R,|, and the
output voltage as i; - R>. (The inverting input to the op-amp is a virtual ground, which is
the ideal input resistance for an input current signal.) Looking at the SNR,, or
(is - R2)/Vonoise,rums, we see that reducing R, lowers both the gain and the noise while at the
same time causing the SNR_,, to drop.

If the op-amp is used as an inverting voltage amplifier with a gain of —R,/R,
(input signal connected to the left side of R,), or as a noninverting voltage amplifier with
a gain of 1+ Ry/R,(input signal connected to the noninverting op-amp input terminal)
then increasing R,, as seen in Eq. (8.79), reduces the output noise. If R, is held constant
then increasing R, also reduces the amplifier gain causing the SNR , to decrease (where
SNR ous = (Vs - R2/R\)V onoisepms OF (Vs + [1 +R2/R11)/ Vonoise,gms. In this situation, for large
SNR,,, , we want both R, (for large gain) and R, (to minimize the output noise as seen in
Eq. [8.79]) to be as small as possible. For example, if we want a gain of 10, it is
preferable to use an R, and R, of 10k and 1k over using 100k and 10k. Of course, using
lower values results in more power dissipation in these feedback resistors.

Input Noise Spectral Density
100 . 10
Vg = +15V —
A i
AN Rs =100k —

/

—-—

INPUT VOL TAGE NOISE inVf<H2)
s
(ZH*/d) 3SI0N LKIHHND LNdRI

1 v 0.1
10 100 1k 10k 100k

FREQUENCY (Hz)

Figure 8.47 Input-referred noise sources for the LT1364 high-speed op-amp.
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8.3.3 Some Final Notes Concerning Notation

When we calculate the mean-squared value of a noise voltage signal (which means that
the desired signal components are not present in the signal), we used

Tmeas

= 1
V2= Vs = - oj V3(6) - dt (8.83)

The square root of the mean-squared voltage is the RMS value of a noise waveform. In
Ex. 8.14 we showed that the RMS value of the integrated thermal noise increases with
measuring time. Does this mean that if we measure, or look, at the value of this noise
signal at a specific time it can’t be zero? As seen in Fig. 8.26, a noise voltage can be
positive, zero, or negative. What we are saying when we say the RMS value is increasing
is that the voltage excursions away from zero are growing (but v(t) is still zero at some
times).

The next thing we should note is that the mean-squared value is a number not a
spectral density. Strictly speaking, it is incotrect to write, for example, the thermal noise
of a resistor as

V2 = 4KTR or 2 = ‘%T (8.84)

A number (the left side of the equation) is not equal to a spectrum (the right side of the
equation is a PSD). When we talked about measuring PSD with a spectrum analyzer in
Sec. 8.1.2, we said that we plot a point by dividing the measured power by the resolution
bandwidth, that is, V,st/fm, at a particular frequency. Sometimes the notation, Af, is
used for the resolution bandwidth £ _ . It is correct to write the PSD of thermal noise as

re.

2 Viws _ 2 . v?
VR(f)zfrT =Xf=4kTR units OfE (8.85)
It is also correct to write
V2 = 4kTR - Af volts (8.86)

where the resolution bandwidth is assumed narrow (for a general noise signal that may or
may not be white). What makes this more confusing is that the mean-squared values are
used for both narrow band signals, as seen in Eqs. (8.85) and (8.86), and for entire noise
spectrums. For example, to calculate the RMS value of a wideband noise signal, we use

My
Vius=V = [Va(f)-df=4kTR-B (8.87)
N

where B = fy — f1 # Af=f,s . Note that Af has nothing to do with NEB or B.

As another example, if we were to measure the PSD of flicker noise, we would
get a value of

Vi(f) = Z—j; E%’N (8.88)

at each frequency /. The measured power in the narrow bandwidth Af (=1, Vv (= Vi)
decreases as f goes up resulting in the 1//PSD.
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R. J. Baker, CMOS: Mixed-Signal Circuit Design, Second Edition, Wiley-IEEE
Press, 2009. Covers noise/averaging and the affects on signal-to-noise ratio. Good
complement to the material in this chapter.

W. T. (Tim) Holman, Private communication, Feb. 2002. Information on how the
RMS value of a signal containing 1/f noise (and 1/£2, 1/f°, etc.) grows with
measuring time.

C. D. Motchenbacher and J. A. Connelly, Low-Noise Electronic System Design,
John Wiley and Sons, 1993. ISBN 0-471-57742-1. Excellent reference for
low-noise design.

R. Sarpeshkar, T. Delbriick, and C. A. Mead, “White Noise in MOS Transistors
and Resistors,” IEEE Circuits and Devices Magazine, Nov. 1993. Shows that both
shot and thermal noise mechanisms in MOSFETs have the same origins.

D. M. Binkley, J. M. Rochelle, M. J. Paulus, and M. E. Casey, “A Low-Noise,
Wideband, Integrated CMOS Transimpedance Preamplifier for Photodiode
Applications,” in IEEE Transactions on Nuclear Science, vol. NS-39, no. 4,
August 1992, pp. 747-752. Covers the design of low-noise transimpedance
amplifiers.

H. L. Krauss, C. W. Bostian, and F. H. Raab, Solid State Radio Engineering, John
Wiley and Sons, 1980. ISBN 0-471-03018-X. Reference for the design of radio
circuits.

W. R. Bennett, Electrical Noise, McGraw-Hill, 1960. Fundamental reference on
electrical noise. Written by a pioneer in noise theory. No longer in print but
available used through various book sellers.

A. Van der Ziel, Noise; Sources, Characterization, Measurement, Prentice-Hall.
Also written by a pioneer in noise theory.

H. F. Friis, “Noise Figures of Radio Receivers,” in Proceedings of the IRE
(Institute of Radio Engineers), vol. 32, no. 7, 1944, pp. 419—422. Fundamental
paper covering noise figure.

LIST OF SYMBOLS/ACRONYMS

A - Voltage gain of a circuit.

A, - DC gain of a circuit.

B - Bandwidth of a noise measurement, i.e., fy—f.

C - Correlation term, see Eq. (8.67).

C,, - Input capacitance.

C; - Diodes junction capacitance (also called depletion capacitance).

Cj - Depletion capacitance measured with zero volts across the diode.

CUT - Circuit under test.
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Af - Resolution bandwidth, same as £,
DFT - Discrete Fourier transform.

ESD - Energy spectral density.

F - Noise factor.

FNN - Flicker noise numerator.

F,,, - Optimum noise factor.

f - Frequency of a sinewave.

fis - 3 dB frequency of a circuit (the power is half the low frequency value at f,,; or the
voltage is 0.707 its low-frequency value at a frequency of £, ).

[, - Higher frequency in an RMS noise calculation, see Eq. (8.10).

/- Lower frequency in an RMS noise calculation, see Eq. (8.10).

[, - Resolution bandwidth of a spectrum analyzer or a DFT (same as Af).
[ - Starting frequency in a DFT or a spectrum analyzer measurement.
foop - Final frequency in a DFT or a spectrum analyzer measurement.

£, - Unity gain frequency of an op-amp (the open-loop gain is 1).

GR - Generation-recombination.

i2 - Mean-squared current(: ; Ms) .

K f) - Square root of a current PSD, units of 4/ JHz .

I*(f) - PSD of a noise current, units of 42/Hz.

I%V( f) - PSD of flicker noise current, units of 42/Hz.

B, is.(f)- PSD of the input-referred noise of a circuit, units of 42/Hz.
IL,.ise rus - Input-referred RMS noise current, unit of 4.

L - Root mean-squared value of a current waveform, units of A4, also written in this
chapter as JI:Z .

IA(f) - PSD of thermal noise, units of 42/Hz.

I3 - Mean-squared value of a current waveform, units of 42 also written as 2.

I275(f) - PSD of random telegraph signal noise current, units of 42/Hz.

I.,:(f) - Shot noise current PSD, units of 42/Hz.

j-+-1.

K - Number of averages, see Eq. (8.48).

k - Boltzmann’s constant, 13.8 x 10"2J/K.

LNA - Low-noise amplifier.
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n - A counting index.

NEB - Noise-equivalent bandwidth, see Eq. (8.15).
NF - Noise figure, see Eq. (8.35).

Poise(f) - PSD of a signal with units of W/Hz.
P, - Average power dissipated.

PDF - Probability density function, see Fig. 8.33.

Pinst(f) - Instantaneous power dissipation (the power dissipated at a specific time). Units
of watts (Joules/s).

PSD - Power spectral density, units of V2/Hz.

q - Electron charge of 1.6 x 107'° coulombs.

R - Resistance in ohms.

R, - Resistance of an input source signal.

RMS - Root mean square.

SA - Spectrum analyzer.

SNR,, - Input signal-to-noise ratio, see Eq. (8.28).
SNR,,, - Output signal-to-noise ratio, see Eq. (8.40).
t - Time in seconds.

T - Temperature in Kelvin.

T,.., - Time a measurement is taken, units of seconds.
VI~ Mean-squared voltage (= V,%Ms) .

V(f) - Square root of a PSD, units of ¥/ JHz (also called a voltage spectral density).
v(t) - Time domain voltage waveform.

V., - Input voltage.

V2 se(S) - PSD of the input-referred noise of a circuit.

Vinoise,ams - Input-referred RMS noise voltage, units of V.

VZF,,,O,-R( f) - Low-frequency white noise, see Fig. 8.9.

V2 .(f) - PSD of a noise signal.

V2 () - PSD of the output noise of a circuit.

Vonoise,ams - Output RMS noise voltage.

¥V, - Peak voltage of a sine waves wave.

V3(f) - PSD of thermal noise, units of V'2/Hz.

IPR2023-00698
Theta EX2019



266 CMOS Circuit Design, Layout, and Simulation

V,z/f( f) - PSD of flicker noise voltage, units of V?/Hz.

Vs - Root mean-squared value of a voltage waveform, units of ¥, also written in this
chapter as yv? .

Vavs - Mean-squared value of a voltage waveform, units of ¥ ?, also written in this
chapter as v2.

V. - Source input voltage.

V- Thermal voltage, k7/q or 26 mV at room temperature.

®-2nf.

Z,, - A complex input impedance.

PROBLEMS

8.1  Suppose that the power company is charging $ 0.25 for a kilowatthour (1,000 W
of power supplied for one hour) of energy. How much are you paying for a Joule
of energy? How much energy, in Joules, is supplied to a 100 W lightbulb in one
hour? Is it potential energy or kinetic energy the power company sells?

8.2  The power company attempts to hold, in the United States, the RMS value of the
voltage supplied to households to 120 V RMS with + 3V at a frequency of 60 Hz.
What is the peak-to-peak value of this voltage? If we were to look at the PSD of
this signal in a 10 Hz bandwidth, what amplitude would we see?

8.3 Suppose a SA measures a noise voltage spectral density of 1 uV/yHz . What is
the RMS value of this noisy signal over a bandwidth of DC to 1 MHz?

8.4  Suppose the noise signal in problem 3 shows a 3-dB frequency of 5 MHz. What is
its RMS value over an infinite bandwidth?

8.5  Estimate the RMS output noise in the following circuit over a bandwidth of 1 to
1kHz. Verify your answer with SPICE. (Hint: simplify the circuit by combining
resistors.)

1k 1k

Out

Figure 8.48 Circuit for Problem 8.5.

8.6  Estimate the RMS output noise over an infinite bandwidth for the circuit in Fig.
8.48 if the output is shunted with a 1 pF capacitor.

8.7  Show, Fig. 8.49, that the calculation of SNR,, results in the same value
independent of treating the input as a voltage or a current.
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8.8

8.9

8.10

8.11
8.12
8.13

8.14

8.15

JA4kTRB Iin

R;

Figure 8.49 Calculating input SNR in Problem 8.7.

Using the input-referred noise model seen in Fig. 8.20b, verify that if the input
resistance becomes infinite, the output noise is adequately modeled using a single
input-referred noise voltage.

If an amplifier has a 0 dB NF, does that indicate the amplifier’s output is free of
noise? Why or why not?

Verify, as seen in Eq. (8.45), that the input-referred noise power of an amplifier is
(Vinoise,us * Tinoise,rMs )2

Verify that the units for the shot noise PSD seen in Eq. (8.49) are indeed A%/Hz.
Repeat Ex. 8.12 if the input voltage is reduced from 1.7 Vto 1 V.

Verify the comment made in Sec. 8.2.5 that the RMS value of integrated flicker
noise signal increases linearly with measurement time.

If the maximum allowable RMS output noise of a transimpedance amplifier built
using the TLC220x is 100 uV in a bandwidth of 1 MHz is needed, what are the
maximum values of C,. and R,? What is the peak-to-peak value of the noise in the
time domain?

Estimate the RMS output noise for the circuit seen in Fig. 8.50. Compare the
hand-calculated result to SPICE simulation results using an ideal op-amp (as used
in Ex. 8.18).

100k

100pF
I

v, »—— Out

Figure 8.50 Circuit for Problem 8.15.
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8.16 Suppose a 4.7 V Zener diode is used in a noise generator, as seen in Fig. 8.40.
Estimate the output noise voltage PSD in terms of the diode’s noise current and
the biasing resistor (use 1k) if the power supply is 9 V. (Note: the noise
mechanism is shot noise not avalanche noise.)

8.17 Rewrite Eq. (8.72) if Ziy = Rin + 1/jodCin.

8.18 Estimate the RMS output noise for the amplifier seen in Fig. 8.51. What would
placing a capacitor across the feedback resistor do to the RMS output noise and to
the speed (bandwidth) of the amplifier? Name two ways to lower the RMS output
noise for this amplifier. What is the cost for the lower output noise?

100k
VW
1k
W LT1364 +—— Out
1+

Vs

Figure 8.51 Circuit for Problem 8.18.
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Chapter

Models for Analog Design

In this chapter we develop models for analog design using the MOSFET. We’ll break this
discussion up into three sections. The first section covers long-channel MOSFET models
with the assumption that the MOSFET follows the “square-law” equations derived in Ch.
6. In the second section we discuss models using modern MOSFETs with short-channel
lengths (< 1 um). Models for these short-channel MOSFETSs are developed with graphs
showing device characteristics, (e.g., output resistance, transconductance, etc.). Finally, at
the end of the chapter, we introduce MOSFET noise modeling.

9.1 Long-Channel MOSFETs

When we do analog design we often say things like “the MOSFET looks like a current
source when operating in the saturation region” or “it looks like a resistor.” Before going
too far, let’s make sure that we understand these statements. Examine the current-voltage
(IV) plot in Fig. 9.1. In this figure we’ve plotted the (DC) current-voltage characteristics
of a resistor, a current source, and a voltage source. Often the controlling parameter in a
semiconductor device is a voltage. The controlled parameter is then the device’s output
current (and this is why current is on the y-axis and voltage is on the x-axis in an IV plot).

I, Amps
A +
/ C:erent source v
T > V, Volts

V% Resistor—__ \ n

- Voltage source

<

Figure 9.1 Current-voltage (IV) plots for various electrical components.
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The voltage across the voltage source, for example, doesn’t vary with changes in current
running through it. The voltage across the resistor is linearly related to the current flowing
through the resistor (Ohm’s law). An important thing to note is that resistance can be
calculated by taking the reciprocal of the IV plot slope. (So the voltage source in this
figure has zero resistance; the current source, infinite resistance.) Also note that the x-axis
corresponds to plotting the IV characteristics of an open circuit (no current with changes
in voltage). The y-axis corresponds to a short (no changes in the voltage across a wire {a
short], with changing current).

Example 9.1
Plot the IV characteristics for the circuit seen in Fig. 9.2.

1 pa SMEG vV

J1
Figure 9.2 Circuit for Ex. 9.1.
Figure 9.3a shows the IV curves for each component of the circuit where we use a
single quadrant of the IV plotting plane. The slope of the resistor is 200 n4/1 V.

The resistance value is the reciprocal of this slope (SMEG). The combined IV
curve is seen in Fig. 9.3b. B

(a)

®)

>V

Figure 9.3 IV plots for Ex. 9.1.
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Example 9.2

Figure 9.4 shows the IV curves (drain current versus drain-source voltage with
constant gate source voltage) for a MOSFET. Comment on what the MOSFET
looks like in the triode and saturation regions.

VDS,SaI and I Dgsat

Drain current

N

>
Drain-source voltage

Figure 9.4 1V curves of a MOSFET.

Clearly, in the triode region (also known as the linear or ohmic region), the
MOSFET behaves like a resistor. In the saturation region, the MOSFET behaves,
as seen in Fig. 9.3b, like a current source in parallel with a resistor. The resistive
component, whether in the triode or saturation regions, is often called the
MOSFET’s output resistance. B

9.1.1 The Square-Law Equations

The drain current, I, , is related to the gate-source voltage, ¥, , and the drain-source
voltage, ¥, , using
KP,
Ip= - %V(Vas— VTHN)2(1 +A(Vps = Vps,sar)) (CAY)]
for Vps 2 Vpssar and Vs 2 Voun. As seen in Fig. 9.4, Vg is the voltage where the
MOSFET moves from the triode region to the saturation region. For long-channel
MOSFETs, this can be written as

Vossat =Vas— Vv 9.2)

This term is very important and will be used frequently when doing analog design. Notice
that Vpss. represents the amount of gate-source voltage that we have in excess or over
the threshold voltage. For this reason, it is sometimes called

Vpssar = €Xcess gate voltage = gate overdrive voltage  (9.3)

Note that while Eq. (9.2) is only valid for long-channel MOSFETsS, the voltage, Vpssa»
simply indicates, for long- or short-channel MOSFETs, the ¥pg at the boundary between
triode and saturation. When Vpg = Vs sar, the drain current is labeled Ip 54 or

KPy W, . 2 _KP,
—- L(VGS Vian)™ = 3

ID,sat = )

Equation (9.1) can be rewritten as

: %V(Vus,sat)z 94)
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ID = [D,sal + ID,sat}‘t 4 (VDS - VDS,sat) (95)

Using the results from Exs. 9.1 and 9.2, we see that the MOSFET behaves, while in the
saturation region, like a current source /p s, in parallel with a resistor of value

|
Fo Moo 9.6)

Figure 9.5 shows a gate-drain connected MOSFET, something we’ll see often in
analog design. Notice that Vgs = Vps. If Vs > Vrun (a current is flowing through the
device), then, for the MOSFET to operate in the saturation region, we must have
Vps 2 Vs — Vuny or 02 — Vrgy (indicating that a gate-drain-connected MOSFET with a
current flowing through it is always operating in the saturation region [remember this]).
We can also write the requirement for operation in the saturation region as

Vps Vas
——— ———
VD - Vs > VG - Vs - VTHN or VD > V(; - VTHN (97)
+
Ip
+ Vps
Vas

Figure 9.5 Gate-drain connected MOSFET. Also known as a diode-connected MOSFET.

PMOS Square-Law Equations
The PMOS equivalents of Egs. (9.1) and (9.2) are (for completeness)

KP, w

Ip= = Z(VSG —Vup) (1 + MV sp = Vsp sar)) (9.8)

and
Vspsar = VsG ~ Vrue 9.9)

Note that all we did was swap the subscripts of the symbols used in the NMOS equations.
Using this notation, the terminal currents and voltages of the MOSFET (both NMOS and
PMOS) are always positive.

Qualitative Discussion

To develop some intuitive understanding for MOSFET operation, let’s look at the circuits
in Fig. 9.6. In the following discussion it is assumed that the MOSFETs are operating in
the saturation region and that the terminal voltages (¥, and V) of the device do not
exceed the power supply rails.

Imagine injecting a current into the drain of the NMOS device in Fig. 9.6a. What
happens to the device’s drain current? Answer: it goes up. What happens to the device’s
Vps? Answer: it goes up. If we hold ¥ constant then, as seen in Eq. (9.1), we must see an
increase in V) if 1) increases. Stealing current from the NMOS’s drain (pulling more of
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VDD VDD VDD

Vse Vse +
< G Vs
G / +  Injected Injected Ip
+ ‘L ® Vs -
Ves Vas S Stolen
(a) (b)

Figure 9.6 Movement of voltages and currents in a MOSFET, see text.

the current flowing down from the resistor away from the MOSFET’s drain terminal)
results in both the drain current and ¥, going down (until the device enters the triode
region and ultimately turns off). Make sure that these statements are clearly understood.
We will frequently sum or take the difference of currents using MOSFETSs; how the
voltages and currents change should be “felt” when looking at an analog design, without
referring to the equations.

For the PMOS device in Fig. 9.6b, injecting a current into the drain causes the
drain current to go down. In the PMOS device, drain current flows out of the drain
terminal of the MOSFET. Injecting a current into the drain results in the drain current
going down. When we inject this current into the PMOS drain, the source-drain voltage,
V, » decreases as well (meaning that the drain voltage moves towards the power supply
voltage ¥DD). Ultimately the device will shut off and the drain current will go to zero. If
we steal current from the drain, the drain voltage will move towards ground (noting that
Vsp = VDD - Vp) and the PMOS drain current will increase.

Question: If the channel length modulation parameter, A, is zero and the
MOSFETs stay in the saturation region, will the drain current change with drain-source
voltage? Answer: no, the drain current is then independent of ¥, Eq. (9.1). We won’t be
able to inject or steal a current from the MOSFET without either pushing the MOSFET
into triode or moving the drain terminals beyond VDD or ground until the MOSFET
breaks down. As seen in Eq. (9.1), with A = 0, I,, is only dependent on ¥ as long as the
MOSFET is in saturation.

Example 9.3

For the circuit in Fig. 9.7, describe qualitatively what will happen if we inject a
current at the location seen in the figure of -1 p4 <7< 1ud. Verify your answer
with SPICE. (Use the long-channel CMOS models from Ch. 6.)

This circuit, as we will see in Ch. 20, is a cascode current mirror. M1 and M3 are
operating in the saturation region with a drain current of 1 pA. Neglecting body
effect (the change in threshold voltage when the source and body of the MOSFET
aren’t at the same potential), we know Vgs1 = Vg3 when M1 and M3 are sized
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VDD VDD
Ibias 1vA
M3 M4
1%
Ml G M2
All MOSFETs are 10/1 S S

Figure 9.7 Schematic for Ex. 9.3.

the same and have the same drain currents. Because the gates and sources of M2
and M1 are physically tied together, we can write Vgsi = Ves2 =Vess = Vs,
meaning that 1 pA flows in all MOSFETs.

For the injected current seen in the figure, a positive 1 pA indicates that
current flows to the left into the drain of M2 (the source of M4). A positive
current also indicates that we are injecting a current into the node. A —1 pA
indicates that current flows to the right out of the node (we are stealing current
from the node).

If we inject 1 pA into the drain of M2, then M2’s drain voltage and M4’s
source voltage increase causing Vgss to decrease. Since M2 wants to (meaning its
Vs is setting) sink a current of 1 pA, our injected current goes entirely through
M2 to ground. M4 will shut off (Vgss4 < Vraw).

If we steal 1 pA from the node (/ = — 1 pA), then the drain voltage of M2
moves downwards towards ground. Then M4 supplies 2 pA of current (Vgss
increases).

Figure 9.8 shows the SPICE simulation results. As discussed, M4 starts to shut
off (its gate-source voltage falls below V7,,) when we inject 1 pA of current.
When we steal 1 pA of current (the left side of the plot), ¥, increases to supply 2
pA of current.

To look at the currents flowing in the circuit, zero-volt DC sources can be
added. Then, in SPICE, the current through these added sources can be plotted.
An example is seen in Fig. 9.9. Simulating the circuit in Fig. 9.7 with the added
DC source, we can plot the current through M4, as seen in Fig. 9.10. As
mentioned, the drain current shuts off when 1 pA is injected into the node, and it
goes to 2 uA when we pull (steal) 1 pA from the node. To monitor the current
flowing in M2, we can either add another zero-volt DC source or simply move the
injection point to the top of the added DC voltage source in Fig. 9.9.

It’s highly recommended that the reader simulate the circuit in Fig. 9.7 under
various operating conditions until its operation is fully understood. B
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Drain_df M2

Gate-source
i voltage of M4

Injected current, uA

Figure 9.8 SPICE simulations verifying the discussions in Ex. 9.3.

VDD VDD

For monitoring M4’s
drain current. Note that
positive current flow is

M4 from the + node to the
—node.

1p4

Figure 9.9 Adding zero volt sources to monitor currents in SPICE.

M4’s drain current, uA

0,5 1.0
Injected current, uA

Figure 9.10 How the drain current of M4 changes with injected current.
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Threshold Voltage and Body Effect

For an NMOS device, the threshold voltage increases when the source is at a higher
potential than the NMOS body (the p-substrate, or ground, in this book). This change in
threshold voltage is called the body effect. A simple example of a MOSFET operating
with body effect (an increased threshold voltage) is seen in Fig. 9.7. Both M3 and M4
have a larger threshold voltage than M1 and M2.

From Ch. 6 the change in threshold voltage can be written as a function of the
source to bulk potential, V,, Fig. 9.11, as

Viun(Vss) = Vuno +yn(‘/2|Vﬁ,| +Vsg — 217 ) 9.10)

and for the PMOS (again we simply switch the subscripts so that all voltages and currents
are positive)

Virp(Vs) = Vrrro +yp(,/2lVf,,I +Vas = 215l ) 9.11)

VDD
B p—
ﬁ{ _ S Vas n-well
S| Vss !Ci + | (most positive voltage
+ B on the chip...generally)

p-substrate
(most negative voltage
on the chip)

Figure 9.11 The body connection of a MOSFET.

Qualitative Discussion

It’s useful to have a feeling for how the threshold voltage changes with increasing
source-to-body potential. Figure 9.12 shows a plot of the threshold variation with V. For
large values of Vg, the threshold voltage change isn’t very significant, while for small
values it is significant. The circuit seen in Fig. 9.13 is an example where we might want
small variations in the threshold voltage. Because the resistor is large, the gate-source
voltage will be close to the threshold voltage. If the threshold voltage didn’t vary, then the
drain current would be linearly related to the input voltage. This circuit is useful for
voltage-to-current conversions.

Vrun (Vss)

Vran(0) = Vo -

v

V.
Source shorted to body, Vg =0 5

Figure 9.12 Variation in threshold voltage with source to bulk potential.
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VDD

«——Vin=Vran

The resistor is big so that
Vs = Vryy (asmall drain

current).

Figure 9.13 An example of a circuit where body effect is important.

Example 9.4
Simulate the operation of the voltage-to-current converter in Fig. 9.13 if the size
of the MOSFET is 10/1 and the resistor is I0MEG. Use long-channel devices.

Figure 9.14a shows how the current varies through the MOSFET with V,
changing from 1 V to 5 V. We start at 1 V 7, because the current will shut off
when V,, < V., resulting in a large nonlinearity. Looking at the linearity of the
current, it looks really good (straight). However, in Fig. 9.14b we take the
derivative of the line in (a) to see the slope. The variation in the slope is
approximately 20%. For precision design of voltage-to-current converters, the
variation in the linearity of the threshold voltage can be a limiting factor. We
should note that channel length modulation also contributes to nonlinearities (so
increasing the length, to increase r,, of the device can help improve the linearity).

Question: what is the ideal slope for Fig. 9.14; that is, what is the ideal value
of dI/dV,? Answer: 1/R or, in this example, 100x 107 4/¥. &

nd — vddw#branch nk — dersv(vddusbranch)

400.0 : v 95.0

300.0

I 2000 dV,

100 0

6 1.5 20 25 3.0 35 40 45 5.0

svesp v V svesp v
in V,',,

(@ (®)

Figure 9.14 (a) Current flowing in the circuit of Fig. 9.13 and (b} its linearity.
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There isn’t any way to eliminate the body-effect in an n-well process where the
NMOS device body is the substrate (though, if a triple well process is used, the NMOS
devices can sit in their own wells). However, the PMOS devices can sit in their own wells
and have separate bodies (and so we can design without body effect).

The Triode Region

The relationship between I, , ¥, , and ¥, for an NMOS device operating in the triode
region is

p2
Ip :KPn%V' [(VGS_ Vren)Vps — TDS] 9.12)

where Vs 2 Vigny and Vs < Vpssae (= Vs — Viun). The equivalent expression for the
PMOS device is

V2
In :KPPVZV- ((ng- Vmp)VSD—%) 9.13)

where Vsg 2 Ve and Vsp < Vspsar (= Vsg — Viup).

We said earlier, in Fig. 9.4 and the associated discussion, that the MOSFET looks
like a resistor when it is operating in the triode region. To estimate the value of the
resistance, we can use

.1 dlp W W
= =KP, & (Vgs—Vrn)-KP,- % v .14
= Vs " (Ves — Vran) 1 Vs 9.14)
or
1
Ron= (9.15)
KP,, : ny N (VDS,saI - VDS)
If Vpssae >> Vs, this equation can be written as
Ren = 1 (9.16)

KP, - XV s — Viaw)
The Cutoff and Subthreshold Regions

For general design, we normally assume that the device is off (meaning zero drain
current) when Vs < Vrgn or Vg < Vrup. However, it would be more correct to say that
the device is operating in the subthreshold region (instead of the strong inversion region
we’ve discussed so far in this chapter). The subthreshold current of a MOSFET operating
in the active region (the amplifying region, which is similar to the saturation region for a
MOSFET operating in strong inversion) is modeled using

In=1Ips- %’ eWos—VminVr 9.17)

Vs < Vray and Vps > 4Vr (remembering the thermal voltage, V.., is kT/q or 26 mV at
room temperature). The current J,, is the (scaled) current that flows when Vs — Viuy = 0
(the gate-source voltage is equal to the threshold voltage). Note that Eq. (9.17) shows no
dependence on V. This indicates that the MOSFET has infinite output resistance when
operating in the active region (which isn’t the case, and so this equation has limitations).
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9.1.2 Small Signal Models

A quick note concerning symbols: throughout the book we’ll represent a signal containing
both AC and DC components by a lowercase letter with uppercase subscripts. AC signals
are represented with both lowercase letters and subscripts, while DC signals are
represented with both uppercase letters and subscripts, see Fig. 9.15. (Note that if the
maximum value of v, is VDD in Fig. 9.15, then the MOSFET is either in the saturation
region or off [V < V1)

¥DD DC  AC ip, 4
-
D liD= Ip +iq
G
Ves S 2 e

ves =V Gs +Vgs
NG
>

Viun
Vs

Figure 9.15 IV curves of a MOSFET in saturation.

Small-signal models are used to calculate AC gains. Figure 9.16 shows the basic
idea. We adjust the DC gate-source voltage, ¥ , to a value that corresponds to a DC
drain current . At this bias point, we apply a small AC signal where |v,,] << Vs and
lizl << Ip. Because the signals are small, the change in drain current, i, , with gate
voltage, v, is essentially linear (as seen in the blown-up view in Fig. 9.16). If our AC
signal amplitudes get comparable to the DC operating (or bias) points, we get high
nonlinearity (which makes feedback necessary for any highly linear amplifier).

ip

A resistor ,
Slope = g = -4
P gm = vgs

Blown-up view

T i ' >VGs

Figure 9.16 How small-signal parameters are calculated.
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We often treat DC voltage sources as shorts when doing AC analysis (and current
sources as opens). Looking at Fig. 9.15, we see that it’s impossible for the AC signal to
generate a voltage across the DC source. The voltage across the DC source is fixed with
zero AC component so that the DC voltage source is an AC short.

Finally note that performing a small-signal analysis consists of the following
steps:

(1)  Calculating the bias point of the circuit using the DC equations from Sec. 9.1.1.

(2) Using the DC values from (1) to calculate the small-signal parameters.
Small-signal AC parameters are always a function of the DC operating point.

3) Replacing the active elements (e.g., MOSFETSs) with their small-signal models. At
the same time, the DC sources are removed (that is, short out all DC voltage
sources and open up all DC current sources).

An AC analysis doesn’t include any DC voltages or currents. For example,
suppose we have an (AC) v, =1 mV. It doesn’t make sense to say that the MOSFET is
off because v,, < V. To perform a small-signal analysis (to calculate small-signal
parameters), the MOSFETs are in saturation or triode (meaning Vs > V).

Transconductance

An extremely important parameter in analog design is a device’s transconductance, g,
The g, of a device is an AC small-signal parameter that relates the AC gate voltage to the
AC drain current, that is,

id=8m" Vgs (9.18)

From Figs. 9.15 and 9.16, g, is simply the slope of the line at the intersection of the DC
operating values ¥V and I, Using Eq. (9.1), without concerning ourselves with
channel-length modulation, we can write '

vas 2
. KP —
;D=zd+1D=—2—"-’ZV-[vgx+ VGs—VmN] (9.19)

To find the slope (g,,) of the i,-v,¢ curve at the fixed bias points Vs and I, (Fig. 9.16), we
take the derivative of this equation with respect to the x-axis variable (v)

Sl'D :|ID = constant W
m= 5 :KPn'—' s+V -V 9.20
g |: Ssz Vs = constant L (vg s THN) ( )
If we remember
Bo=KP, VZV and lvg| << Vs 9.21)
then we can write
VDs,sat
gn=Bn| Ves—Vrmn | = JZB,,ID 9.22)

The key points are that g, goes up as the root of the drain current and linearly with ¥

,sat”
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Example 9.5
Calculate the DC and AC voltages and currents for the circuit seen in Fig. 9.17.
Use the long-channel MOSFET parameters from Ch. 6.

Both NMOS are 10/2
Both PMOS are 30/2

Figure 9.17 Circuit discussed in Ex. 9.5.

We begin by looking at the DC operating point. The gates of both M1 and M2 are
at 2.5V. This is necessary to keep them turned on. Since the sources of M1 and
M2 are physically tied together, Vs1 = Vgs2 and Ipy =1p; =20 pd . Rewriting Eq.
(9.1), neglecting channel-length modulation, results in

Vs sat
—_—

Ves = Iiﬁ)[i, . %/ +Vrun (9.23)

Assuming both M1 and M2 are operating in the saturation region (we’ll verify this
in a moment), we get

40 2

mﬁ +0.8=1.058V > V[)s,m; ~250 mV

Vos1=Ves =

The source-to-gate voltage for M3 (knowing its drain current is 20 pA) is

22
Vo= | 230 2 09 = 1158 ¥ o> Vspaur 2250 m¥

The drain potential of M1 and M3 is
Voi=Vp3=VDD—-Vss =3.842 1V

From Fig. 9.5 and the associated discussion, we know that M3 is in saturation. To
see if M1 is in saturation, we use Eq. (9.7)
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Vb1 £ Ve —Vray — 3.842 2 1.7 V (yes, M1 is in saturation)

Next we look at M4. M4’s source-to-gate voltage is 5 V. It’s very likely that it is
in triode. We know, for a PMOS to be operating in the saturation region, we must
have

Vs-Vp Vs—Vg
——
Vso2Vse =Vmup > Vo< Ve+ Vi (9.24)

M4’s gate is grounded (V¢ = 0), so for M4 to be in saturation, ¥p <0.9 V. Since
the gate of M2 is at 2.5 V and Vs = 1.058, then its source is 1.442 V, which
makes it impossible for M4 to be saturated. To estimate the drain-to-source
voltage of M4, we use Eq. (9.13), knowing that M4’s drain current is 20 pA and
its gate-source voltage is 5 V

2
20=40.30. ((5—0.9)VSD—@J
2 2
which results in Vg, = 8.13 mV. The drains of M4 and M2 are then 4.992 V or
essentially at ¥DD. Clearly M2 is operating in the saturation region. M4 can be
thought of as a resistor with a value of (Eq. [9.16] noting ¥, , >> Vg, that is, 4.1
V>>8.13mV)

Rewms = =407 Q

1
(40 pa/vy-2-4.1

Note that we could have estimated the resistance using Vsp/Ip =8.13m/20pn
=407 Q. Before moving on, let’s do an operating point analysis for this circuit
(an .op analysis). The SPICE netlist is seen below.

*** Example 9.5 CMOS: Circuit Design, Layout, and Simulation ***

.control

destroy all

run

** for the operating point analysis
print all

*

** for the AC analysis
*plot mag(vd13) mag(vs12) mag(vg1) mag(vd34)

** for the transient analysis
*plot vd13

*plot vs12

*plot vg1

.endc

.option scale=1u
.op

**.ac dec 100 1 10k
**tran 1u 300u

vbDD VDD 0 DC 5

VG1 VG1 0 DC 25 AC im SIN 2.5 1m 10k
VG2 VG2 0 Dc 25

Ibias VS12 0 DC 40u
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M1 VD13 VG1 V812 0 NMOS L=2 W=10
M2 vD24 VG2 VS12 0 NMOS L=2 W=10
M3 VD13 VD13 VDD VDD PMOS L=2W=30
M4 vD24 0 vDD VDD PMOS L=2W=30

.MODEL NMOS NMOS LEVEL =3

+TOX =200E-10 NSUB =1E17 GAMMA =0.5
+PHI =07 ViO =08 DELTA =3.0
+UO =650 ETA =3.0E-6 THETA =0.1
+KP = 120E-6 VMAX =1E5 KAPPA =0.3
+RSH =0 NFS =1E12 TPG =1

+XJ =500E-9 LD =100E-9

+ CGDO =200E-12 CGSO =200E-12 CGBO =1E-10
+CJ =400E-6 PB =1 MJ =05
+CJSW =300E-12 MJSW =05

.MODEL PMOS PMOS LEVEL =3

+TOX =200E-10 NSUB =1E17 GAMMA =0.6
+PHI =07 VIO =-09 DELTA =0.1
+UO0 =250 ETA =0 THETA =0.1
+KP =40E-6 VMAX = 5E4 KAPPA =1
+RSH =0 NFS =1E12 TPG =-1
+XJ =500E-9 LD =100E-9

+CGDO =200E-12 CGSO =200E-12 CGBO =1E-10
+CJ =400E-6 PB =1 MJ =05
+CJSW =300E-12 MJSW =0.5

.end

A portion of the operating point analysis output is

vd13 = 3.854977e+00 (we hand calculated 3.842)
vd24 = 4.989641e+00 (we hand calculated 4.992)
vs12 =1.171189e+00 (we hand calculated 1.442)

The only significant difference between our hand calculations and the simulation
results is the potential calculated for the sources of M1/M2. The smaller value in
the simulation is because we didn’t include the body effect in our calculations. We
used Vruno = 0.8 ¥ when the actual threshold voltage was closer to 1.1 V.

Let’s now turn our attention towards the AC analysis. The transconductance of
M1 and M2 is

gm =gm2=J2-KPnVZV~ID =‘/2-120p-170~20;1 ~ 150 pd/V

The transconductance of M3 is

gmsz'/Z-KP,,E—V-ID =J2~40p.~3—20‘20p. ~ 150 pA/V
M4 is operating in the triode region and so we think of it as a resistor (407 Q).
Figure 9.18 shows the simplified AC schematic of Fig. 9.17. Notice how we can
replace M3 with a resistor of 1/g,3. This is because the AC voltage across M3 is
Vsg3 = Vsg3 and the AC current through it is i, or
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. (9.25)

A gate-drain connected MOSFET with a current flowing through it is always in
saturation, as discussed earlier, and can be thought of as a small-signal resistance
of 1/g,, (again, remember this).

1/gms M4 i
m CI __——7 < Channel resistance
V24
i =i M2
iq=ig +
Vgs2
1 mV -

Figure 9.18 AC schematic for the circuit in Fig. 9.17.

When we talk about negative currents or voltages in an AC small-signal
analysis, we are indicating that the overall AC + DC signal is decreasing. For
example, we’ll see in a moment that the AC small-signal drain current in M2, Fig.
9.18, is negative. This means that the current may be going from 20 pA (its DC
operating point) to, say, 19.995 puA with an AC input. We would then say that the
AC drain current is, i, , — 5 nA.

To analyze the circuit, we can begin by writing

I mV=vg —vg2 = %—%
We know that g,,; = g.2and, from Fig. 9.18,
i =—ig
so
Vgs1 = Vg = 0.5 mV

The sources of M1 and M2 are at an AC voltage of 0.5 mV. The AC drain
currents are

it =ip =—igp =—ids = gm1 * Vgs1 = (150 pd/V)-0.5 mV =75 n4
This means the overall (AC + DC) drain current of M1/M3 is
ip1 =20 p4 +0.075 sin2nf't
where f'is the frequency of our 1 mV input signal and
ip2 =20 u4 —0.075 sin 2nf't
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noting that i, and i, must sum to the DC bias of 40 pA.
The (AC) drain voltage of M1 and M3 is

YVl =Vn =—id| -~L———7—5—nA;———0.5mV

&m 150 pd/V
The voltages on the drains of M2 and M4 are
Va2 =Vdaa = —id4 ~RC;,M4 = (75 nA) . 407 = 0.03 mV

We’ll verify these voltages with SPICE in a moment. This lengthy example
illustrates several key concepts that will be used throughout the analysis and
design of analog CMOS circuits in this book. Before moving on, make sure that
the concepts are clear and well understood (SPICE can be very helpful for this).

Question: How would we look at the SPICE simulated currents (AC and DC)
flowing in the MOSFETs in Fig. 9.17? Answer: add zero-volt voltage sources as
seen in Fig. 9.9 and the associated discussion. B

AC Analysis

We can perform a small-signal analysis using a SPICE “.ac” statement. Just like in our
hand calculations, SPICE first calculates the operating point using the DC sources (no AC
sources are present in the circuit). Then SPICE replaces the active devices with their
small-signal equivalent circuits (no DC sources in the circuit, now just the AC sources).
The key point here is that SPICE assumes the user knows that the AC components should
be much smaller than the DC components. If we were to simulate, using an AC analysis,
the operation of the circuit in Fig. 9.17, but used a 1,000 V AC input instead of a | mV
AC input, SPICE would simply scale all of the outputs (the simulation won’t tell the user
that the AC input is too big).

The possible syntax for an .ac analysis statement is

.AC DEC ND FSTART FSTOP
.AC OCT NO FSTART FSTOP
AC LIN NP FSTART FSTOP

where DEC stands for decade (our x-axis in an .ac analysis is frequency) and ND is the
number of points per decade (OCT stands for octave and LIN stands for linear). FSTART
and FSTOP are the starting and ending frequencies for the small-signal AC analysis.

We can do a SPICE AC analysis for the circuit in Fig. 9.17 by changing the .op
analysis used in the netlist to an AC analysis control statement

.ac dec 100 1 10k

where we’ve picked a frequency range of 1 Hz to 10k Hz with 100 points calculated per
decade. (The first decade is 1 to 10 Hz, the second, 10 Hz to 100 Hz, etc. If we had used a
start frequency of 2 Hz, then the first decade would be 2 Hz to 20 Hz, the second would
be 20 Hz to 200 Hz, noting that increasing by a decade is multiplying by 10 and
decreasing by a decade is dividing by 10.) The input signal (the gate of M1) is

VG1 VG1 0 DC 25 AC im SIN 2.5 1m 10k
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The operating point analysis ignores the AC voltage of 1 mV and the sinusoid
specification (a sine wave with a DC offset of 2.5 V, a peak amplitude of 1 mV, and a
frequency of 10 kHz). The AC analysis uses the DC value to calculate the operating point
and the AC value to calculate the small-signal AC voltages and currents. We’ll discuss
the SIN portion in a moment when we talk about transient analysis. The simulation
results are seen in Fig. 9.19. The values should be compared to the values calculated in
Ex. 9.5. The only (small) difference is the voltage calculated at the sources of M1 and
M2. We calculated 0.5 mV, while SPICE gives 0.42 mV. This is due to the body effect
transconductance, g,,, , which is discussed on the next page.

AC input

.| &——— Drains of M1/M3
0.40 < Sources of M1/M2

mV

. _— Drains of M2/M4

1 10 100 10%3 1074
frequency Hz

Figure 9.19 AC simulation results for the circuit in Fig. 9.17.

Transient Analysis

The AC analysis is frequently used to look at the frequency response of a circuit.
However, as we have just discussed, it will not show large signal nonlinearity. A transient
analysis, however, will show large signal nonlinearity (the x-axis is time just like the
x-axis on an oscilloscope display). The control statement for a transient analysis is

.TRAN TSTEP TSTOP <TSTART <TMAX> <UIC>

where TSTEP is the step size (say 1/1,000) of the stop time TSTOP. TSTART is an optional
parameter to specify a later starting time. The simulation always starts at 0 seconds.
However, in some simulations there are start-up transient signals that we are not
interested in. To avoid saving this uninteresting data in our output file (to reduce the
output file size), we can specify a start-up time later than 0. In this book we won’t use this
option. The TMAX parameter specifies a maximum step size for the simulation. If, for
example, a sine wave is plotted and it looks jagged (meaning that our step size is too
coarse), we would use a smaller step size (TMAX) in the simulation to smooth it out. UIC
indicates, “Use Initial Conditions.” If UIC isn’t present in a simulation, SPICE ignores all
initial conditions. A sample transient control statement is

.-TRAN 1n 1000n 0 1n UIC
To simulate the circuit in Fig. 9.17 using a transient analysis, we use the input signal
source of

VG1 VG1 0 DC 25 AC im SIN 2.5 1m 10k
In a transient analysis, SPICE always ignores the AC component. It ignores the DC

component as well if pulse, sinusoid, or some other signal is specified. Note that the SIN
specification has nothing to do with AC analysis. For the transient simulation of the
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circuit in Fig. 9.17, we use a sinusoid with a DC offset of 2.5 V, a peak amplitude of
ImV, and a frequency of 10 kHz (picked arbitrarily for this simulation). The simulation
results showing the drain potential of M1 and M3 are seen in Fig. 9.20.

38856

2 essu N\
/ \ / \ / \ Peak voltage of 0.5 mV

N2 SO A L T

o 500 10876 1500 200" 260 0 200 0
tise "]

Figure 9.20 Transient simulation showing the drain voltages of M1 and M3 from Fig. 9.17.

Body Effect Transconductance, g,,,

Figure 9.21 shows the setup to determine how the drain current varies with source-to-
bulk potential V. If we raise the potential of the source, we eventually run into the point
where the source potential is less than a ¥, below the gate potential, and the MOSFET
shuts off.

VDD ip, A
D ip=Ip+ig
G | B
! R
S Vsb
Ve +
Vsp vsg = Vsp +Vsp
0 vss
(Source shorted to bulk)
Vsb MOSFET shuts off
Ve>Vsp+ Vran because source
for the MOSFET to be on. potential gets too large.

Figure 9.21 How the drain current changes with body-effect.

Remembering that the body-effect is the variation of the threshold voltage with

Vs We can write

Ip = constant

. Ip = constant KP
om =] 22| = e By vy’ 926)

avSB Vsp = constant 6VSB 2 L Vsp = constan

or
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&m

ol 4
g =KP - X (Vo5 = Vi) -[— #S”B”) (©.27)

or (noting there is a variation in v with vy but this is simply the forward g ).

gmb =8m M (928)

The factor n describes how the threshold voltage changes with ¥, and generally ranges
from 0 (no body effect) to 0.5. The minus sign in Eq. (9.27) simply indicates that the AC
drain current contributions from changes in the threshold voltage with ¥V, (body effect)
flow in the opposite direction of the contributions from the forward transconductance, g,.
Figure 9.22 shows the AC small-signal model of the MOSFET with both small-signal
transconductances included.

G (i D
+
_ 1
Vgs EmVes gmbVsp > To= Mp o
S + 3
Vsb
B

Figure 9.22 Small-signal MOSFET with both transconductances.

Output Resistance

We’ve already calculated the output resistance of a MOSFET operating in the saturation
region in Eq. (9.6) (added to Fig. 9.22). Let’s calculate this value again using the circuit
seen in Fig. 9.23. We can write

vDs
. Ip = constant KP —_—
rl= [ Oip ] = __6__[_” . K(Vcs - VTHN)Z[I + ;\-[Vds + Vps — VDs,mD]

aVDs ¥ ps = constant 2 L

(9.29)

is output resistance.

3
>

ip=1Ip+i .
a——Dﬁd ip, A Vs = constant
D 1
G Vds I D A------== !
Vs S E One over the slope

VDS

4
<
g

constant

Figure 9.23 How the drain current changes with drain-to-source voltage.
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or, once again,

=1
;\41 Dysat

Yo

(9.30)

Example 9.6
Determine A, using simulations, for the MOSFETs in Ex. 9.5.

The ¥, (NMOS) and V,; (PMOS) of the MOSFETs in Ex. 9.5 are 1.05 V and
1.15 V, respectively (roughly for 20 pA of bias current). Figure 9.24 shows the IV
plots for the MOSFETs and the reciprocal of the derivative of the drain current
(which gives us the output resistance). Because the NMOS threshold voltage is
0.8 V and the PMOS threshold voltage is 0.9 V, both MOSFETSs have a V,; , of
250 mV and a channel length of 2. The channel-length modulation parameter is
calculated using

1 1 _
Ay = = =0. 1
Ipsa-ro 20u-5SMEG 0.01¥
and
1 _
=——=0.0125 V!
Ay 20u - 4AMEG 0

noting that the values are approximations. Also note that the output resistance is
very dependent on drain-to-source voltage. M

uh —ID MUnits —ro

200 L i

Ves=105F Vas=1.05 ¥ _—

Drain current
==

Output resistance
;—\

sveep v sveep v
NMOS DS NMOS DS
ud — 1D HUnits —ro
[ T O T P P PP TP PP PP PR PRI
15
- E':’ ‘o Vs(; =1.15 V1
= 5 i ——
g Z; 3.0 R eea S NV S U
3 &
o s SO SN SOUURUOURUUIN SRRt
g =
£ E
Q s-0 = 1.0
o i
0.0 0.0 .
6o 1.0 20 3.0 4.0 5.0 0.0 1.0 2.0 3.0 4.0 5.0
sweep v y sveep
SD
PMOS PMOS Vsp

Figure 9.24 Using simulations to determine lambda.
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It’s of interest to determine how output resistance changes with channel length
and V.. Remember

KP

Ipsa =52 %V Vi (931

and, from Ch. 6,
1

he (9.32)

SO we can write
2
ro o —L (9.33)
VDS,sat

If the length of the MOSFET is increased, for fixed ¥V, (equivalent to saying for fixed
Vissar SINCE Vpssa=Ves—Vrny), then the drain current decreases and the output
resistance increases. If the length is held constant, then decreasing ¥, causes the drain
current to decrease and the output resistance to increase. We might think that, to get large
output resistance, all we have to do is use a very long-length device. However, as we’ll
show next, this causes the inherent speed of the MOSFETSs to decrease.

MOSFET Transition Frequency, f

Examine the circuit in Fig. 9.25. The drain of the MOSFET is at AC ground (shorted
through the DC drain-source voltage). This causes, from the gate terminal, C,, and C,, to
appear as though they are in parallel. We can then write

ig
Vg = ————— 9.34
£ jo- (Ces + Cea) 039

Knowing iz = gm - vgs, We can write the current gain of the MOSFET as

id Em
= 9.35
ig] 2mf+(Cgs+Cga) ©33)
iq
Ced D S—
igr) Vs
Vs
Cos
Vs

Figure 9.25 Determining the transition frequency of an NMOS transistor.
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If we call the frequency where the current gain of the MOSFET is one, Fig. 9.26, the
transition frequency, f; (the transistor transitions from an amplifier to an attenuator) and

we remember that Cg| = %WLC{,X >> Cqga, then we can write (see Eq. [9.22])

fraBn 3KP,-(Vos = Vraw) _ 3Mn Vossa

T R T A S (9.36)

This equation is fundamentally important. To get high speed, we need to use minimum
channel lengths and design with a large ¥, .. However, as seen in Eq. (9.33), using
minimum lengths results in lower output resistances (and, as we’ll see later, lower gain).
What this indicates is a constant gain-bandwidth product (higher speed resulting in lower
gain). In using a large ¥V, ., the MOSFETs enter the triode region earlier (resulting in
reduced output swing in amplifiers or mirrors). Note that the f; for the PMOS device is
inherently smaller than that of the NMOS device due to the lower value of hole mobility.

For short-channel devices, the mobility is no longer constant but starts to decrease
(velocity saturation as discussed in Ch. 6) with decreasing length (increasing electric field
between the drain and channel). Because of this, we treat the term p,/L as a relatively
constant value and rewrite Eq. (9.36) as

Jr<

VDS,mI
L
Again, for high-speed, we need to use the smallest possible channel length and large
V

DS.sat*

(Short-channel devices) 9.37)

la| 4B
" 5)\

g

0 >
AN

Figure 9.26 The transition frequency of a MOSFET.

General Device Sizes for Analog Design

Based on Egs. (9.33) and (9.36), we can make some general statements about selecting
device L, W, and V. For general analog design, use an L of 2-5 times minimum (in
this book L, = 1, since we scale the MOSFET sizes by either 1 pm {long-channel
MOSFETs] or 50 nm {short-channel MOSFETs] in the SPICE netlists or layout). We’ll
use an L, for analog design, of 2 as a good trade-off between speed and gain.

For general design, use a ¥, of 5% of VDD. For our long-channel MOSFETs
(VDD =5 V), we’ll use a V. of 250 mV, while for the short-channel process (VDD =
1V), we’ll use 50 mV. Table 9.1 shows the parameters for general analog design using the
long-channel process discussed in this chapter.
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Table 9.1 Typical parameters for analog design using the Jong-channel CMOS process discussed
in this book. Note that the parameters may change with temperature or drain-to-source
voltage (e.g., Fig. 9.24).

Long-channel MOSFET parameters for general analog design
VDD =5V and a scale factor of 1 pm (scale = 1e—6)
Parameter NMOS PMOS Comments
Bias current, I, 20 uA 20 uA Approximate
WIL 10/2 30/2 Selected based on I, and V.,
Vs @0d Ve, 0 250 mV 250 mV For sizes listed
Vgsand Vg, 105V 1.15V No body effect
Vigyand Vo, 800 mV 900 mV Typical
OV runp/OT -1 mV/C° -1.4 mV/C° Change with temperature
KP,and KP, 120 pA/V? 40 pA/V? t,=200 A
Chx = Eoxltox 1.75 fF/jum* | 1.75 fF/um® Cox = Cl, WL - (scale)?
C,,andC,, 35fF 105 fF PMOS is three times wider
C,,and C,, 233 fF 70 fF Co=2Cox
Conand Cp 2fF 6 fF Cga=CGDO - W scale
gmandg, 150 pA/v 150 pA/vV Atl, =20 pA
randr, 5MQ 4 MQ Approximate at [, = 20 pA
Emlon a0 g7, 750 VIV 600 V/V Open circuit gain
A,and A 0.01 V! 0.0125 V! AtL=2
Jmandf, 900 MHz 300 MHz For L =2, f,goesupif L=1

Subthreshold g, and V,,,,

Before leaving the topic of small-signal models, let’s derive the forward transconductance
of the MOSFET operating in the subthreshold region. Using Egs. (9.17) and (9.20), we
can write

YGS
. = Vs +ves —Vrun |InVr
610 }ID constant w [ & J ( 1 )
m=| =/ =Ipyg-—- ] —= 3
8 [ DO I e nVr (9 38)

dves Vs = constant

If, (as always for a small-signal analysis) vg, << Vs, then
gm=—1— 9.39)

The transconductance increases linearly with bias current when operating in the
subthreshold region (compare to Eq. (9.22)). Unfortunately, the speed (/) of MOSFETs
operating in this region is considerably slower. The small currents charging the device’s
own capacitances limit the speeds to, in general, < MHz. As CMOS technology scales
downwards, the inherent speeds increase. This, together with the need for lower power,
increases the number of designs operating in, or near, the subthreshold region.
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As I, (V) increases, the MOSFET moves from operating in the subthreshold
region, g» = Ip/nVr (g, is exponentially dependent on V), to moderate inversion, and
then to the strong inversion region, g, = ,/ 2IpBn =Ba(Ves—Vrun) (g, is linearly
dependent on V). As seen in Eq. (9.16), using small ¥, results in a channel resistance,
R, , of 1/g, (assuming that the MOSFET is operating in the friode region). Fig. 9.27a
shows a plot of 1, against ¥, for a MOSFET in the short-channel process discussed later
in the chapter. The threshold voltage in (a) is estimated by linearly extrapolating back to
the x-axis (again from Eq. [9.16] the slope is R_}). In (b) we take the derivative of (a) to
get the g of the device. Knowing g, = B»(Vss— Vruwn) (for a MOSFET operating in the
saturation region), we can linearly extrapolate back to the x-axis to estimate when g,
goes to zero (to get V,,,.). The two methods give different results (there are other methods
as well, such as taking the derivative of g, with respect to ¥ and looking at the ¥, [=
V] when this second derivative of I, becomes constant). Because, even for small V¢ (>
a couple of £T/g), the MOSFET will be operating in the saturation region when Vs =
Ve We'll use method (b). '

uk 1D9 HA —w VD5=0-1 V &Em, ]JA/V V05=0.1 |4

0 ] : e 100.0

/ 1 O N

S 0.2 S 0.6 0.8 1.0 “3,0 czr 0.4 ns 0.8 1.0
svbep v Vs |sveep Vis
(@ Vran =350 mV (b) VTHN ~ 280 mV

Figure 9.27 (a) Drain current plotted against gate-source voltage with small Vds
and (b) transconductance plotted against gate-source voltage.

9.1.3 Temperature Effects

In this section we look at how the drain current of a MOSFET operating in the saturation
region changes with temperature. Looking at the long-channel expression for the drain
current

Ipsga = 225 . 2. (VGs ~Vi)? (9.40)

(where we’ve written KP, as W,€0x/t0 ), the variables that change with temperature are the
mobility and the threshold voltage.

Threshold Variation with Temperature

From Ch. 6, Eq. (6.17), we can write

040 — 04
Vity = —Vms = 2Vpp + =855 9.41)
CUX
noting Q’ is a constant and O}, = J2gN4€ sil =2V . Knowing
Vo=- L and v, = Vo- v = AL 1n-M Ve  (9.42)
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the change in the threshold voltage with temperature is

¥y _ _k i Nbpoly Oho k| Nb.poiy

aT q n Na +C¢/,X-2Tz_a. n N, (9.43)
The term k/q is the change in the thermal voltage with temperature, that is,
OVr_ (kI _k_ .
T = 6T( 7 ) =3 =0.085 mV/C (9.44)

(keeping in mind that we don’t confuse the temperature behavior of the thermal voltage,
V,, with the behavior of the threshold voltage, ¥.,,,). If Np, poy =102 and N, =10" (a
ballpark value for a long-channel MOSFET), then

Vv o
A~ —L mIC (9.45)
If Ny=10'7 (N, scales upwards as the channel length of the CMOS technology
decreases, see Table 6.3 in Ch. 6), then

Wy
——=-0.6 ° 46
aT 0.6 myIC (9.46)
noting that the threshold voltage decreases with increasing temperature, while the thermal
voltage increases with increasing temperature. The temperature coefficient of the
threshold voltage is defined as

__1
TCVun = Vom oT (9.47)

so that the threshold voltage can be written as a function of temperature as
Veun(T) = Viun(To) - (1 + TCVun - (T—-Ty))  (9.48)

where the threshold voltage is measured at the temperature T, Fig. 9.28. The units for
temperature can be Kelvin or Celsius because of the difference used in this equation. For
our long-channel process with V,,,, = 0.8 V, the temperature coefficient is —1,250 ppm/
C°. For a short-channel process with ¥,,,, = 0.28 V, we get a temperature coefficient of
—2,143 ppm/C~. For a 100-degree increase in temperature, our short-channel threshold
voltage decreases by 60 mV, resulting in a larger I, (a factor of 10 larger if the
subthreshold slope is the ideal 60 mV/decade at room temperature).

Veun(T) = Viun(To) - (1 + TCVrun - (T—Th))
A

Viun(To)-----—=

l
T R .
To T, in Kelvin or Celsius

Figure 9.28 Temperature dependence of the threshold voltage.
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Mobility Variation with Temperature

The reduction in mobility with increasing temperature is modeled using

L5
W) = w(To)- (—TTE) (9.49)

and so it follows that the reduction in the transconductance parameter with increasing
temperature is

KP(T) = KP(To) - (LT“) " (9.50)

where, once again, the mobility is measured at temperature 7,. Note that both 7 and T
have units of Kelvin. The change in the MOSFET transconductance parameter, KP, with
temperature around T, is

{ OKP(T) }
or To= constant

The temperature coefficient of the transconductance parameter around the temperature 7,
is then

2.5
= KP(To)- (*1.5)(%) : -Tl—o ©.51)

1 OKPT)_ 15
KP(T) or T

The transconductance parameter at a particular temperature close to T, is given by

(9.52)

KP(T) = KP(To) - (1 ~15. T‘—TT“) (9.53)

As temperature increases, the mobility and KP decrease. Note that our derivation used the
change in the temperature (the slope of the line) around the measured temperature T, (just
like we used for small-signal analysis). Equations (9.52) and (9.53) work well for hand
calculations. However, for wide temperature changes, we’ll need to use simulations
(which can include the nonlinear variations in the mobility). Note, again, that unlike Eq.
(9.48) where a difference in temperatures is present, and so either Kelvin or Celsius can
be used, we must use Kelvin when using Eq. (9.53).

Drain Current Change with Temperature

We now know that as temperature goes up, the threshold voltage and mobility go down.
A decrease in mobility, see Eq. (9.40), causes the drain current to go down. At the same
time, a decrease in threshold voltage causes the drain current to go up. At low Vg, the
changes in Vp, dominate and the drain current increases with increasing temperature. At
higher 7, the mobility dominates and the drain current decreases with increasing
temperature. When the effects cancel, the drain current doesn’t change with temperature,
Fig. 9.29. For a long-channel device like the one seen in Fig. 9.29, again, oV run/0T
=-1mV/C.

Figure 9.30a shows how the drain current changes with temperature in a
short-channel CMOS technology. Again, we see where the effects of the mobility
changing with temperature cancel the effects of the threshold voltage changing with
temperature. Looking at Fig. 9.30b, we see that, for a constant current of 10 pA, Vi,
changes at a rate of x —0.6 mV/C° (= 0V 1un/OT because the Vi is small).
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Drain current, uA

i Drain current
™ does not change
i with temperature.
0.80 1.00 1.20 1.40 1.60
sweep v Gate-source voltage

Figure 9.29 Long-channel drain current change with temperature.

600.0
T=50C

~
o
o
o

T=100C

200.0

Drain current, uA

o | ' '
0.0 0.2 0.4 0.6 0.8 1.0

Drain current, uA

sweep

™ Gate-source voltage

(b) Zoomed-in view of (a).

Figure 9.30 Short-channel drain current change with temperature.
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9.2 Short-Channel MOSFETs

The last section covered the fundamental models used for MOSFETS in analog design. In
this section we use these results to help with our selection of device sizes and biasing
currents to meet certain design requirements: speed, power, output or input swing, etc.
Our approach is to develop plots of device parameters based on simulations that can be
used when designing with short-channel MOSFETs. The CMOS process technology that
we use in this section has a minimum length of 50 nm and a VDD of 1 V.

9.2.1 General Design (A Starting Point)

We labeled the V,; where the MOSFET enters the saturation region, for a fixed ¥, and
for either long- or short-channel MOSFETS, V , (Fig. 9.4). For long-channel MOSFETs
this voltage was determined using Eq. (9.2), that is, Vgs— Vruv. However, for
short-channel devices this relationship (¥ ps;sar = Vigs — Vrun) isn’t meaningful. For these
devices, we’ll call the difference between V;and V,,, the gate overdrive voltage

Vo = Vs = Vv # Vps,sar (9.54)

As we saw in Fig. 9.27 the threshold voltage for this 50 nm process is 280 mV. We said
earlier that for general analog design we set the overdrive voltage to roughly 5% of VDD.
We might use, as a starting point,

ng, =70 mV —> VGS =350 mV

For higher speed we increase ¥, at the price of reduced output swing (a higher ¥V is
needed to move the MOSFET into saturation). Using the overdrive voltage, we can
rewrite, perhaps more correctly now, Eq. (9.37) as

gm Vovn
fr= 3mCy x =7 (9.55)

Now we must select the biasing current and the width/length of the MOSFETs. As
mentioned earlier, we use 2-5 times minimum length for general design (we use
minimum length for high-speed design). As we did with the long-channel process, let’s
use twice minimum length (L = 2 or, with the scale factor, L = 100 nm) to get started as a
good trade-off between speed and gain. To select the bias current and width, let’s
remember the on current for a short-channel MOSFET, from Ch. 6, is

ip=Vsat " Chy+ W-(Vgs — Vrun — VDS.sar) 9.56)

The transconductance, following the same procedure used earlier, for a short-channel
MOSFET is then

. Ip = constant
gm=|:aai] =Vsat‘C¢/)x' w
VGS 1y s = constant (957)

The g, of a short-channel device depends only on the MOSFET's width if the velocity of
the carriers saturates (is a constant). Fortunately, effects such as velocity overshoot cause
g,, to increase with increases in V, or V. The width of the MOSFET is selected to
ensure the MOSFET has enough current drive for a particular load (for a more detailed
discussion see Sec. 26.1). Here we'll select a bias current of 10 pA and a g, of 150 pA/V.
As a first cut, let’suse ¥, =70 mV, W= 50, and L = 2 (selected based on simulations).

ovn
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Figure 9.31 shows the IV curves for a 50/2 (actual size of 2.5um/100nm device) with a
Vs of 350 mV. The current shows significant variation as ¥,,; changes. Knowing 7,, does
change with V,;, we’ll still simply say the drain current is 10 pA (as an approximation).

15.0

-
=)
o

Drain current, uA
«
o

0

sveep

Drain-source voltage, V pg

Figure 9.31 IV curves for a 50/2 NMOS with VGS =350 mV.

Output Resistance

Figure 9.32 shows the output resistance of this 50/2 NMOS device. We get r, by taking
the reciprocal of the drain current’s derivative in Fig. 9.31. To determine V) ,, we can
look at the point where the output resistance starts to increase. Here this is approximately
50 mV (= V,.). However, notice that if we use larger V,;, we get considerably higher
output resistances. This is an important point when we design current mirrors in Ch. 20.

The lambda can be estimated using Figs. 9.31 and 9.32 as 0.6 V™.

kUnits —ro

200.0p ; : 1

150.0

100.0

Output resistance, kohms

0.2 0.4 0.6 0.8 1.0
sweep v VDS
Device starts to enter the saturation region here, Vps ar -

Figure 9.32 Output resistance of the MOSFET in Fig. 9.31 against¥Vps .
Forward Transconductance

The forward transconductance, g, , is plotted against ¥ in Fig. 9.33. At our ¥V of 350
mV (gate overdrive, ¥, , of 70 mV), we get, as designed for, a g of 150 pA/V. The open
circuit gain is g,7, and is only 25. This is considerably lower than the open circuit gains
seen in Table 9.1 for the long-channel devices and results in design “challenges” when
designing with such small devices. Also notice that the g, does change with ¥ , unlike

IPR2023-00698
Theta EX2019



Chapter 9 Models for Analog Design 299

g"rgso parv T Vs = 100 mV
Y] 1 S S, - Pt
s v
gm =150 /v’

.0 100.0 200.0 300.0

400.0 500.0
sveep oV VGS
VGS =350 mV

Figure 9.33 How transconductance changes with gate-source bias.
what was indicated in Eq. (9.57). This is because the saturation velocity isn’t exactly
constant and depends on both V;cand ¥V ;.
Transition Frequency

From Fig. 9.34 we see that the transition frequency of the 50/2 NMOS is approximately 6
GHz. While the equations show that increasing the gate overdrive increases f,, it can be
educational to change the ¥ in the netlist and look at how the speed ( f;) changes.

Units — 20%10g(ID/1G)
. 80,0 pcsmnpeenr o1y ; ;
ld \
A B & REii
£ 40.0 [ ST Vps =100 mV
\':\\ : : Vs =350 mV
PN :
20.0 : - :
0.0
-20.0!- SR SN & I
10°7 10%8 10%9 10%10
frequency Hz
fr=6 GHz

Figure 9.34 MOSFET transition frequency.

Table 9.2 shows the typical parameters for the sizes and biasing current we’ve
used in this section. These values are a good starting point for general design. However, if
the design must be either high-speed or low-power, the biasing current, device sizes, and
thus overdrive voltages will be different from what’s listed. They’ll also be different with
shifts in process, voltage, and temperature (PVT).

Finally, we generated the PMOS data from simulation netlists that are available at
cmosedu.com. These simulation netlists are invaluable for quickly regenerating the data
in Table 9.2 for different device sizes and overdrive voltages.
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Table 9.2 Typical parameters for analog design using the short-channel CMOS process
discussed in this book. These parameters are valid only for the device sizes and
currents listed.

Short-channel MOSFET parameters for general analog design
VDD =1V and a scale factor of 50 nm (scale = 50e-9)
Parameter NMOS PMOS Comments
Bias current, I, 10 pA 10 pA Approximate, see Fig. 9.31
WIL 5072 100/2 Selected based on I, and V,,
Actual W/L 2.5um/100nm 5pm/100nm L, is 50 nm
Vs a0d Vp, o 50 mV 50 mV However, see Fig. 9.32 and
V,and ¥V, 70 mV 70 mV the associated discussion
Vssand Vg, 350 mV 350 mV No body effect
Vigyand Voo 280 mV 280 mV Typical
OVrunp /0T - 0.6 mV/C° - 0.6 mV/C° Change with temperature
Vanandv,, | 110x10°m/s | 90x 10’ m/s From the BSIM4 model
t, 14 A 14 A Tunnel gate current, 5 A/cm’
Clx = &arltor 25 fF/pm? 25 fF/pm? Cox = CL WL - (scale)*
Cpnand C,, 6.25fF 125 fF PMOS is two times wider
C,,and C,, 4.17fF 8.34fF Cos=2Cox
| Cpand G 1.56 fF 37fF Cga=CGDO - W-scale
gnandg, 150 pA/vV 150 pA/V Atl,=10 pA
r,andr, 167 kQ 333kQ Approximate at [, = 10 pA
B on 204 8,1, 25V/IV 50 ViV !!Open circuit gain!!
A,and A, 0.6V 03V? L=2
Jr, and f7 6000 MHz 3000 MHz Approximate at L =2

9.2.2 Specific Design (A Discussion)

A figure-of-merit (FOM) that is useful when comparing designs with different #/Ls and
bias currents is the gain-f, product (GFT) of an amplifier. The GFT of a MOSFET can be
written as the product of the open-circuit gain and f;, that is,

GFT =gnr, - fr (9.58)
For a long-channel process we can write this equation (see Egs. [9.22], [9.30],
[9.32], and [9.36]) knowing Cg, = 2C/, WL as

gn 1 _ B3 W

27Cg Mp 2m-L2A L

GFT = gpro - fr = (9.59)

Notice that this expression is independent of drain current. 1t is based entirely on the
channel length and mobility of the MOSFET. This result is important because it shows
that if the gain goes up, the speed ( f; ) goes down. Not understanding this equation will
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result in wasted time when trying to increase both the gain and bandwidth of an amplifier.
Note that for a short-channel process the GFT is dependent on mobility alone since the f,
of the MOSFET is proportional to L, Eq. (9.55), not L?, Eq. (9.36) (discussion below).

We know from Eq. (9.36) that increasing the drain current (or increasing V)
results in an increase in speed. But the cost for the higher speed is a reduction in the
open-circuit gain. This gain can be written, for a device operating in strong inversion, as

J2KPEL _ J2kPE

Mp v

showing that gain decreases with increasing drain current, Fig. 9.35. We can also write,
with the help of Eq. (9.32),

Emlo = (960)

. KP.J(Vos=Vmy) 3 <L o6
"R E o Vo MPas= V) Vom

showing that open-circuit gain increases with increasing L or decreasing V. When
operating in the subthreshold region (weak inversion), we can write

Gmbo = dp 1 __1 9.62)

showing that the gain is independent of drain current when the long-channel MOSFET is
operating in the subthreshold region, again see Fig. 9.35.

Emlo
A
Subthreshold region
1,000 Speed goes up o
100 | JroyIp
‘ Gain
10 | 8oeg dOWH 1
8mto L —/—=
. , o

Il { }
T T T T

0.1 pA 1 A
i 1 pA 10 pA 00 p In

Figure 9.35 Gain falling off with bias current.

While these results were derived using long-channel models, we can use the
outcomes for design in a short-channel process. For high-speed we want to use higher
biasing currents and thus overdrive voltages. As the speed of the design increases, the
gain falls (but, as we’ll see, not at the same rate). As an example, if we decrease the width
of the NMOS device used to generate Table 9.2 from 50 to 20 (using the same
gate-source voltage of 350 mV), we would expect I, to fall, f; to remain unchanged (the
device is narrower so its capacitance decreases but so does the g,), 7, to increase, and g,
to decrease. The GFT shouldn’t change much by simply reducing the width of the device.
First, from Table 9.2 the GFT is

open circuit gain = 25

gnrofr=150% 167 kQ -6 GHz = 150 GHz
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Next, with the decrease in the device’s width to 20, we get (with the help of the
simulations that generated Figs. 9.31-9.34): I, =4 pA (¥, is still 70 mV), r, = 435 kQ,
g, =55 uA/V, and f, = 6 GHz. The GFT with the device width of 20 is

open circuit gain = 24
———
gurro - fr="55%-435kQ -6 GHz = 144 GHz

practically no difference. If we now increase the gate-source voltage to 450 mV (almost
half of ¥DD) so that the overdrive goes from 70 mV to 170 mV while using a 50/2
NMOS, we would expect the f; to increase, g, to increase, [, to increase, and r, to
decrease. Again, with the help of the simulations that generated Figs. 9.31-9.34, I, = 45
HA (¥, isnow 170 mV), r, = 55kQ, g =390 uA/V, and f, = 10 GHz. The GFT with the
increased ¥, is

ovn

open circuit gain =21.5

gmto fT= 390%~55kﬂ -10 GHz =215 GHz

Using the long-channel equations, Eq. (9.59), we would expect little change (again) since
the GFT doesn't depend on the overdrive voltage. However, the mobility in a short
channel process does change with ¥ (see g, and velocity overshoot discussions on
pages 151 and 297). By using higher gate overdrives, in a short-channel process, we can
improve the GFT (and speed) of our circuits at the cost of power and overhead (the
devices will triode at a higher V) with small degradation to the gain.

Based on large GFT it might appear that it's better to design using a long-channel
(older) CMOS technology rather than a short-channel (nanometer) process. The GFT, for
example, of the NMOS device in Table 9.1 is 675 GHz while it's only 150 GHz for the
NMOS device in Table 9.2. In addition, the open circuit gains of short-channel
MOSFETs are considerably lower than long-channel MOSFETs. The smaller device,
however, is better for high-speed design because its f; is higher (it still behaves like an
amplifier at high frequencies). In summary, for high-speed designs use a small process
while for low-frequency designs use older CMOS (if there is a choice).

9.3 MOSFET Noise Modeling

In this section we cover modeling MOSFET noise using SPICE. It is assumed that the
reader is familiar with the material presented in Ch. 8, that is, the spectral characteristics
and origins of thermal and flicker noise.

Drain Current Noise Model

The noise generators in MOSFETSs are due to thermal and flicker noise. The thermal noise
due to the channel resistance, modeled in the saturation region using a resistor of % . g%,
(subsitute Eq. [6.46], without the area dependence, into [6.27] and integrate) and R, in
the triode region, is given, in the saturation region, by a power spectral density, PSD, of

G=-PL -8,
2 8m (9.63)

This noise current source is placed across the drain and source of the MOSFET (so the
output current is the sum of the desired and undesired [noise] components).
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Flicker noise (one-over-f, that is, 1/f) results from the trapping of charges at the
oxide/semiconductor interface. As indicated in Ch. 8, flicker noise is present whenever a
direct current flows in a discontinuous material. The electrons jump from one location to
the next while sometimes being randomly trapped and released. This trapping gives rise
to a flickering in the drain current. Since the carrier lifetime in silicon is on the order of
tens of microseconds (relatively long), the resulting current fluctuations are concentrated
at lower frequencies. Flicker noise can be modeled in SPICE (with NLEV = 0, the
default) by a PSD of

KF-IfF
f(Co- L)
where KF is the flicker noise coefficient, a typical value is 107 A>**(F/m)?, I,, is the DC
drain current, AF is the flicker noise exponent, a value ranging from 0.5 to 2 (generally

very close to 1), and f is the frequency variable we integrate over. Setting NLEV =1 in
SPICE changes the L’ term in the denominator to LW (the area of the MOSFET), that is,

KF- 15
f(CoPLW
Figure 9.36 shows measured data comparing a straight-line fit to the PSD generated using
this noise model. The device used to collect this data is 10 pm wide and 2.8 pm long.
Note that the noise PSD was averaged 20 times and still looks jagged. The 1/f noise

spectrums we drew in Ch. 8, e.g., Fig. 8.31, show smooth PSDs. We only get smooth
spectrums after much averaging (it is, after all, noise).

Ly (f)= (9.64)

Ly(f)= (9.65)

AF =125
PP, 4%H: Kr=25 <107
b=
1.0e-21 20 averages of noise
L1
1.0e-22 } =
1.0e-23
NLEV = 1—
Straight line fit
1.0e-24 I N H T ll‘_

1.0e1 1.0e2 1.0e3 1.0e4 1.0e5
Frequency (Hz)

Figure 9.36 Measured MOSFET flicker noise spectrum.
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The total PSD of MOSFET drain current noise (the sum of the flicker and thermal
noise contributions) is given by
KF-1#F kT
BAD =Dy (N + 1k ()= —F 22—+ g
) =1y () +1r () w3 g
Remembering noise is always measured on the output of a circuit and referred back to the
input of a circuit so that it can be compared to the input signal, we can write (knowing
id = gmVgs) the MOSFET’s input-referred noise PSD as

KF-I)' skr
2" p | SkI
f(CLY LW g5 3gm
Figure 9.37 shows how the noise models are added to the schematic representation of the
MOSFET. Notice that increasing the MOSFET’s forward transconductance, g, reduces
the input-referred thermal noise. If the g, is increased by making the device wider (that is,
it is not increased by simply raising the drain current), then the 1/f noise decreases as
well. Note, as discussed in Ch. 8, that looking at the (size of the) output noise alone gives
no indication of the noise performance of the amplifier or circuit. The input-referred noise
should be compared to the input signal for an indication of noise performance. (A notable
exception to this is a circuit that doesn’t have an input signal like a current mirror. In
these types of circuits we do care about reducing the size of the output noise.)

(9.66)

Vlamise(f) = (967)

KF-Iy'  gkT

] Bif)y=—b BT o
7w’ 3
- S
KF- 1% 8kT
T (CoPLW g3 3gm

2
Vinaise(f )=
Figure 9.37 (a) Modeling MOSFET noise current and (b) input-referred noise voltage.

Finally, we might ask if it is better to use a PMOS or NMOS device for low-noise
design? In the older CMOS technologies, say 350 nm and earlier technology nodes,
n-type polysilicon was used to form the gates of both NMOS and PMOS devices (single
workfunction gates, see page 191). This keeps the PMOS device's channel from forming
at the surface directly under the gate oxide. Instead a buried channel is formed in the
device. By avoiding conduction at the oxide/semiconductor surface we also avoid the
trapping and random release of carriers that is @ major component of the MOSFET's drain
current flicker noise. The result is the PMOS devices in the older CMOS processes have
considerably better noise performance than the NMOS devices. In modern CMOS n-type
polysilicon is used to form the gate of the NMOS device and p-type polysilicon is used
for the gate of the PMOS (dual workfunction gates and why the polysilicon must be
silicided, that is, so the connection between the p-type and n-type polysilicon isn't
rectifying). The result is that both devices utilize a surface channel so the benefit of using
PMOS devices is gone. The larger g, of the NMOS makes it the preferable device for low
noise design (however, this is process dependent).
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PROBLEMS

For the following problems use the long-channel process information given in Table 9.1

for KP, V,, , and C,_, unless otherwise indicated.

9.1  Calculate and simulate the values of I, and V in the following circuit.

100k
2V

10/1

Figure 9.38 Circuit used in Problem 9.1
9.2  Repeat Problem 9.1 if the MOSFET size is changed to 10/10.

9.3  Calculate and simulate the values of [, and ¥ in the following circuit.

10/1

100k

Figure 9.39 Circuit used in Problem 9.3

9.4  Repeat Problem 9.3 if the MOSFET size is changed to 10/10.

9.5  Calculate I, V), and estimate the small-signal resistance looking into the drain
of the MOSFET in the following circuit.

200k

5V

102

Figure 9.40 Circuit used in Problem 9.5
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9.6 To determine the value of a small-signal resistance in a simulation, the circuit
seen in Fig. 9.41 is used. The ratio of the test voltage, v, to the current that flows
in the source, i, , that is, v,/ij, is the small signal resistance. Using this circuit
determine, with SPICE, the value of the resistance looking into the drain of the
circuit in Fig. 9.40. How does the 200k resistor affect i, in the simulation?

Big

}__

vr
ir

Figure 9.41 Using a test voltage to determine a resistance in a simulation.

9.7  Explain qualitatively what happens to V, and ¥, in Fig. 9.42 as the bias current
is increased.

+5V +5V
Ibias
M3 M4
Ml M2

Figure 9.42 Schematic for Problem 9.7.

9.8  Describe qualitatively what happens if we steal or inject a current at the point
indicated in Fig. 9.43. How does this affect the operation of M1 and M2? Verify
your answer with SPICE.

+5V +5V

i Jpy—d e

v

Figure 9.43 Schematic for Problem 9.8.
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9.9

9.10

9.11

9.12

9.13

9.14

9.15
9.16

9.17
9.18

9.19

Using simulations, generate the plot seen in Fig. 9.12 for both NMOS and PMOS
devices.

Design a circuit that will linearly convert an input voltage that ranges from 0 to
4V into a current that ranges from roughly 50 pA to 0. Simulate the operation of
the design showing the linearity of the voltage-to-current conversion. How does
the MOSFET’s length affect the linearity?

Using a PMOS device, discuss and show with simulations how it can be used to
implement a 10k resistor. Are there any limitations to the voltage across the
PMOS resistor? Explain.

Using SPICE (and ensuring the MOSFET is operating in the saturation region
with sufficient V), generate the i, versus v curve seen in Fig. 9.15. Using
SPICE take the derivative of i, (e.g., “plot deriv(ID)”) to get the device’s g,
(versus V). How does the result compare to Eq. (9.22)? Does the level 3 model
used in the simulation show a continuous change from subthreshold to strong
inversion?

Estimate the AC, i, , drain current that flows in the circuit seen in Fig. 9.44.
Verify your answer with SPICE in using both transient and AC simulations.

VDD=5V
i
VDD

13V

I: 2173

1 mV ,Li d
A4
Figure 9.44 Schematic for Problem 9.13.

Calculate the DC and AC voltages and currents for the circuit seen in Fig, 9.45.
Verify your answers with a SPICE AC analysis simulation.

Repeat Problem 9.14 if the bias current is reduced to 20 pA.

Using SPICE (and zero volt sources), verify the drain currents calculated in Ex.
9.5. Show both your AC analysis and transient analysis simulation results.

Using SPICE, generate the i, versus v, curve seen in Fig. 9.21.

Repeat Ex. 9.6 if the widths and lengths of the PMOS and NMOS devices are
multiplied by 10 (that is the NMOS is now 100/20 and the PMOS is now 300/20).
How does the drain current change?

Compare the f, of a 10/2 NMOS to a 100/20 NMOS. Verify your hand
calculations using simulations.
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9.20

9.21

9.22

9.23

M1 M2
b vt
1 mV &l a2 1mV
40 uA
25V 25V

Both NMOS are 10/2
Both PMOS are 30/2

Figure 9.45 Circuit used in Problem 9.14.

Equation (9.39) is used to calculate the forward transconductance of a MOSFET
operating in the subthreshold region. Is it possible to have subthreshold operation
when 7, is 100 pA? If so, how?

Using the simulations that generated Fig. 9.27, estimate the threshold voltage for
50/5 PMOS and NMOS devices (both in the short-channel CMOS process).

Show the details leading to Eq. (9.43). Show, as an example, that the
approximation is valid if Q}y/Cl, =30 mV. (Remember: temperature is in
Kelvin.)

For the circuits seen in Fig. 9.46, estimate both the output voltage at room
temperature and how it will change with temperature. Verify your answer with
SPICE. Use the short-channel CMOS process.

VDD =1V VDD =1V
10 uA 100/2
Out Out
50/2
10 uA

Figure 9.46 Circuits for Problem 9.23.
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9.24

9.25

9.26

9.27

9.28

9.29

Verify, using simulations, the result given in Eq. (9.59), that is, that the GFT of a
long-channel process is independent of biasing conditions. Make sure that the
MOSFET is biased away from the subthreshold and triode regions.

When Egq. (9.36) was derived it was assumed that C,, >> C,_, Looking at the data
in Table 9.2, is this a good assumption? Compare the hand-calculated value of f;
to the simulation results in Table 9.2.

Using the short-channel parameters in Table 9.2, calculate the drain voltage of M1
and its drain current (both AC and DC components) for the circuit seen in Fig.
9.47.

VDD
M3 VDD = 1V
Ml M2
1 mV 0.5V
20uA

0.5V

Both NMOS are 50/2
The PMOS is 100/2

Figure 9.47 Circuit used in Problem 9.26.

What is the PSD of a MOSFET’s thermal noise when it is operating in the triode
region?

Looking at Eq. (9.66), we see that decreasing the MOSFET’s g, reduces the
MOSFET’s drain current noise PSD. If the MOSFET is to be used as an amplifier
where the input signal is on the MOSFET’s gate, is reducing g, a good idea? Why
or why not?

Show how the thermal noise resistance of the channel seen in Eq. (9.63) is derived
for the MOSFET operating in the saturation region.
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10

Models for Digital Design

In this chapter we develop a digital model for the MOSFET. For a simple logical analysis
of a digital circuit we think, Fig. 10.1, of the MOSFETs as simple switches. When the
gate of an NMOS device is a logic 1 (¥DD), the NMOS device is on. When the gate is a
logic 0 (ground), the NMOS device is off. The PMOS device operates in a
complementary way to the NMOS device. When its gate is a logic zero, it is on (hence
why we draw a bubble at its gate). It’s important, for a quick logical analysis of a
complex digital circuit, to think of the MOSFETS as simple logic-controlled switches.

/{ \wos /{ 0S

Logic 1 tumns the switch on Logic 0 turns the switch on
Logic 0 tumns the switch off Logic 1 turns the switch off

Figure 10.1 Logical operation of the switches.

Miller Capacitance

One of the important concepts we’ll use in this chapter has to do with the “Miller effect”
discussed in detail in Ch. 21 (see Fig. 21.5 and the associated discussion). To understand
this effect here in our development of digital models, consider the simple schematic in
Fig. 10.2. If, initially, the input node is at 0 V and the output node is at VDD, the charge
on the capacitor is

Qui=C-(0-VDD)=-C- VDD (10.1)

If the input node changes to VDD and the output node transitions to ground, the charge on
the capacitor is

Qpinat = C- (VDD -0) = C- VDD (10.2)
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In Out
VDD

Figure 10.2 Determining the charge through a capacitor.

The total charge supplied by the input or output voltage source to the capacitor after the
transition is then

le = Qﬁnal - Qim't =2C- VDD (103)

Remembering, in this discussion, that the input source transitions from 0 to VDD while,
at the same time, the output source transitions from VDD to 0, what is the effective
capacitance that each source sees? Towards answering this question, consider the models
seen in Fig. 10.3. In (a) the input source supplies a charge of

Qi =2C- VDD (10.4)

In (b) the output sinks the same amount of charge. The point here is that the input or
output capacitance of the circuits in 10.3a or b is twice the capacitance value connecting
the input to the output in Fig. 10.2. We’ll use this result in a moment as we develop a
digital model for the MOSFET.

In Out
—> VDD
VDD
A 2C 2C 0
0 i i
(a) Input circuit (b) Output circuit

Figure 10.3 Splitting the capacitor in Fig. 10.2 up into two equivalent capacitors
for developing a model.

10.1 The Digital MOSFET Model
Effective Switching Resistance

Consider the MOSFET circuit shown in Fig. 10.4. Initially, the MOSFET is off, V=0,
and the drain of the MOSFET is at VDD. If the gate of the MOSFET is taken
instantaneously from 0 to VDD, a current given by

KP,
ID:T'%/'(VDD—VTHN)Z =%'(VDD_VTHN)2 (10.5)
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Ip
Drain voltage initially at VDD <
VDD +
0 - Vs l Cap. initially charged to VDD

Ves

Figure 10.4 MOSFET switching circuit.

initially flows through the MOSFET. Point A in Fig. 10.5 shows the operating point of
the MOSFET prior to switching for VDD = 5 V. After switching takes place, the
operating point moves to point B and follows the curve V,; = VDD down to /,, # 0 and
Vs =0, point C. At this point, the NMOS switch is on.

this line is the effective
o : : : : switching resistance of
0.0 1.0 2.0 3.0 4.0 5.0 6.0 the MOSFET.

sweep v VDS

Figure 10.5 IV plot for a 10/1 NMOS device to estimate average switching resistance.

An estimate for the resistance between the drain and source of the MOSFET is
given by the reciprocal slope of the line BC in Fig. 10.5, or
Ri=g PP _p. L (10.6)
5T (VDD —Vruw) w

The MOSFET is modeled by the circuit shown in Fig. 10.6. When ¥V, > VDD/2, the
switch is closed; when ¥V, < VDD/2 the switch is open. In the derivation of this model,
we assumed that the input step transition occurred in zero time; that is, that the rise time
was zero, so that the point at which the switch was opened or closed was well defined. In
practice, we will not encounter a zero rise time pulse; therefore, the model has
limitations. Nevertheless, the model works remarkably well in designing and analyzing
digital circuits by hand, giving results that are usually within a factor of two of simulation
or measurement in general applications.
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Gate Drain
o— o—— 0

- Switch closed when Vs > VDD/2
and open when Vs < VDD/2

Source

Figure 10.6 Simple digital MOSFET model.

Because the square-law equation used in Eq. (10.6) doesn't model, for example,
the reduction in mobility, Sec. 6.5, present in submicron devices it's better to use
measured data, via an experimentally-generated SPICE MOSFET model or bench data, to
estimate the switching resistances. From Fig. 10.5 we can write

Ro=R, L_YDD__ 5 _, p 1540 (10.7)

For an NMOS device with a specific width, W, or length, L, we can estimate the effective
switching resistance of the device in the Jong-channel CMOS process in this book (scale
factor of 1 um) as

R~ 15k- VLV (10.8)

For the PMOS device, the transconductance parameter, KP, is three times smaller than
the NMOS’s KP (see Table 9.1), so we can write

R, ~ 45k- %, 10.9)

The effective resistance of the PMOS device is three times as large as the NMOS’s due to
the mobility of the electrons being larger than the mobility of the holes.

Short-Channel MOSFET Effective Switching Resistance

As discussed in Chs. 6 and 9, the short-channel MOSFET doesn’t follow the square-law,
long-channel, MOSFET models. We can’t use Eq. (10.6) to estimate the effective
switching resistance. However, we can use the on current for the devices (see Sec. 6.5.2).
For the short-channel CMOS process used in this book (scale factor of 50 nm and a VDD
of 1 V), we can write, see Egs. (6.59), (6.60), and (6.61),

VDD VDD 1V 1.7k - um
R, = = = >R, —— 10.10
Ipn Lo W-scale 600 % . W-scale W-scale ( )
and
R, = VDD _ VDD 104 R n 2k pm (10.11)

Ipp ~ lonp-W-scale 300 % W . scale P W scale

noting that the effective switching resistance of a short-channel MOSFET is independent
of the MOSFET’s length. In practice this is true to a point. Increasing the channel length
above a certain value, for example L = 2, causes the MOSFET’s resistance to grow.
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Note that in the long-channel equations for switching resistance, Eqs. (10.8) and
(10.9), the scale factor doesn’t affect the resistance. However, using the short-channel
equations the scale factor is important and does affect the switching resistance calculation
when using /. Knowing, for the short-channel process used in this book, that the scale
factor is 50 nm, we can rewrite Egs. (10.10) and (10.11) as

_ 34k 68k
w w

where W is the drawn width of the devices. Practically, to model the effects of increasing
switching resistance when L is greater than 1 (minimum), we can re-write Eq. (10.12) as

R, and R, = (10.12)

L L
R,,=34k-V—Vand R, =68k-W (10.13)

noting that now L and ¥ can both be either drawn or actual sizes.
10.1.1 Capacitive Effects

At this point, we need to add the capacitances of the switching MOSFET to our model of
Fig. 10.6. Consider the MOSFET circuit shown in Fig. 10.7 with capac1tance = between
the gate-drain and the gate-source electrodes. This is the capacitance when the MOSFET
is in the triode region and is an overestimate for the capacitances of the MOSFET. For
example, the capacitance between the gate and drain of the MOSFET is the overlap
capacitance from the lateral diffusion when the MOSFET is operating in the saturation
region (see Table 6.1). Because of this overestimate, we will neglect the depletion
capacitances of the source and drain implants to substrate when doing hand calculations.
Simulations using SPICE are required for better estimates of switching behavior (e.g.,
showing the nonlinearities of a depletion capacitance, see Fig. 2.15 or Eq. [5.17]).

Returning to Fig. 10.7, when the input pulse transitions from 0 to VDD, the output
transitions from VDD to 0 (review Figs. 10.2 and 10.3). The current through C,, (= C,,/2)
is given by

dVgi _ Cox VDD -(-VDD) VDD dVps

I=Cgy- 2 > A7 =Cox- =Cox - 7 (10.14)
The voltage across C,, changes by 2-VDD. The current that flows through this capacitance
is the drain current of the MOSFET in Fig. 10.7. As seen in Fig. 10.3, we can break ng
into a component from the gate to ground and from the drain to ground of value 2C,, or
C,,. The complete model of a switching MOSFET is shown in Fig. 10.8.

VDD
Cea, %Cm — Large resistor
Drain voltage initially at VDD
VDD
o —+—
gsa ; C /

Figure 10.7 MOSFET switching circuit with capacitances.
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Gate / o ]%rain
Cinn = %Cox - R" - Coum = Cux
l Switch closed when Vs > VDD/2
Source and open when Vs < VDD/2

Figure 10.8 Simple digital MOSFET model.

10.1.2 Process Characteristic Time Constant

An important question we can answer at this point is, “What is the intrinsic switching
speed of a MOSFET?” Looking at Figs. 10.7 and 10.8, we can see an intrinsic process
characteristic time constant, t,, of R,C,_. That is, if the drain is charged to VDD as in

Fig. 10.7 and the input switches from 0 to VDD, the output voltage will decay with a time
constant of R C__. For an NMOS device in the long-channel process, this is given by

2C!.- VDD - (L - scale)*
KP, - (VDD - Vgn)?
(10.15)

Notice that the “speed” of a process increases as the square of the channel length and that
the speed is independent of the channel width, W. The process characteristic time constant
is specified using the process minimum length. Also note that the larger the VDD, the
faster the process. This is very similar to the unity current gain frequency, f;, that we
discussed in the last chapter. For a short-channel process, Eq. (10.15) can be rewritten as

VDD - C/, - L-scale

Ion,n

2L -VDD

Tw=RnCoxr =
KP,W(VDD — Vyn)*

-C! WL - (scale)* =

Tn = RnCux = L : C{,XWL . (scale)2 =

10n,n - W-scale (10]6)

For the short-channel process, the time constant decreases linearly with decreasing
channel length.

Example 10.1
Estimate the process characteristic time constants for the long- and short-channel
CMOS processes used in this book.

For the NMOS device in the long-channel CMOS process, using the data in Table
5.1 and Eq. (10.8),
Tn = RuC! WL - (scale)? = 15k - L. 1.75 ﬁz LW - (scale)* ~ 25 ps
w um
Knowing from Egs. (10.8) and (10.9) that the effective resistance of the PMOS
device is three times as large as the resistance of the NMOS device, we can write

T, =75 ps
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For the short-channel process, using the data in Table 5.1 and Eq. (10.10), we
can write
1.7k um ) fF

25— . WL - (scale)* =2.1
W - seale Sumz WL - (scale) ps

Ty =R,Cl. - WL - (scale)* =
and for the PMOS device
1, =42ps

Table 10.1 summarizes the effective switching resistances and oxide capacitances
for the long- and short-channel CMOS processes used in this book. B

Table 10.1 Digital model parameters used for hand calculations in the long- and short-channel
CMOS processes used in this book. Note that the widths, W, and lengths, L, seen in
this table are drawn lengths (minimum length is 1 while minimum width is 10).

Technology R R Scale factor |Co, = C/,, WL - (scale)*

n yJ
1 um 156L | aspL 1 pm (1.75/F)- WL
(long-channel) w w
50 nm 34k | 68k 50 nm (62.5 aF) - WL

(short-channel) | W W

10.1.3 Delay and Transition Times

Before we go any further in the discussion of the digital models, let’s define delays and
transition times in logic circuits. Consider Fig. 10.9. The top trace represents the input to
a logic gate, while the bottom trace represents the output. Note that there is no logic
inversion between the input and output; however, the following definitions apply equally
well to the case when there is an inversion. The input rise and fall times are labeled ¢, and
1, respectively. The output rise and fall times are labeled ¢, and ¢,,, respectively. The

Vin

Input

v

1
|
i
|
|
|
I
V
)
'
'
'
|
I
1
|

Vou
Vou1
i % Output
| i
Vou o 0 >
o T ]

Figure 10.9 Definition of delays and transition times.
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delay time between the 50% points of the input and output are labeled 1,,,, and ., ,
depending on whether the output is changing from a high to a low or from a low to a
high. These definitions are extremely important in characterizing the time-domain
characteristics of digital circuits.

For the simple RC circuit shown back in Fig. 2.21, the delay time is given by
taelay = 0.7RC (10.17)
and the rise or fall time is given by
trise = 2.2RC (10.18)

For our simple digital model of Fig. 10.8, we will assume that the propagation delay time,
whether high-to-low or low-to-high, is given by

tpgr #0.7-R, - Cyor and tpLHz0.7'Rp~Cm, (1019)
and the output rise and fall times are given by
ti 22-Rp-Ciorandtig=2.2-R, - Cry (10.20)

where C,, is the total capacitance from the drain of the MOSFET to ground. These
models for hand calculations do not give exact results. The models are useful for
determining approximate delay and transition times, usually within a factor of two. They

can be used to reveal the location of a speed limitation in a circuit.

Example 10.2

Using hand calculations, estimate the rise, fall, and delay times of the following
circuits (Fig. 10.10) in both the long- and short-channel CMOS processes.
Compare your results to SPICE simulations.

Initally charged to ¥DD.

VDD
S
VDD — YDD iq 10/1
0 —-’ 10/1 g 50 fF _\0— p [Initially at ground
«
g 50 fF
Figure 10.10 Circuits used in Example 10.2.

The models used for calculating delays are seen in Fig. 10.11. The time constant
associated with discharging a load capacitor (the NMOS switch) is

tpL =0.7 - RyCiot = 0.7 Ry - (Cox + C1) (10.21)

The time constant associated with charging a load capacitance (the PMOS switch)
is

1p1i=0.7-RyCip =0.7 - Ry - (Cox + C1) (10.22)
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VDD VDD
NMOS model I
o/c— ‘ RP Cox
R, Cox 50 fF o/c I
Ct
PMOS model

50 fF
CL

Figure 10.11 Models used to determine switching times in Example 10.2.

In many practical situations the load capacitance is much larger than the output
capacitances of the switches. These equations can then be reduced to

tpr =0.7-R,-Cyr and tp s =0.7 - Rp -Cp for Cp >> Coy (1023)
Using Eqgs. (10.21) and (10.22) with the parameters in Table 10.1, we can
estimate the delays using the long-channel process as

tprr =0.7 - 15k-%-(1.75]F~ 10+ 50 fF) = 70 ps

and
tpin = 0.7 45k- % (175 fF - 10 + 50 fF) = 210 ps
For the short-channel process, we get
tpy =0.7- % -(62.5 aF - 10 + 50 fF) = 120 ps
and
_ 68k _
tpry=0.7- q0 (62.5 aF - 10 + 50 fF) = 240 ps

The simulation results are seen in Fig. 10.12. We can also estimate the output rise
and fall times using Egs. (10.19) and (10.20). For the long-channel devices

=22 =
tH = 07 tpar =220 ps

and

N
N

- 'IPLH=66OPS

ILH=

(=}
~

For the short-channel devices

tn =377 psand t;y =754 ps @
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v —vin — vout vV —uin — vout
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time
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Long-channel NMOS Long-channel PMOS

Voo—um — vout vV —uin — out

\ | i | .
i | —»\\m
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i \ : :
o 0.2 0.4 0.6 0.8 1.0 0.0 200.0 400.0 600.0 800 0
tine nS tine S

Short-channel NMOS Short-channel PMOS

Note how the initital
conditions aren't exactly zero in the simulation.

Figure 10.12 Simulating the circuits in Fig. 10.10.

10.1.4 General Digital Design

For general digital design, using the long or short-channel CMOS processes discussed in
this book, we can set the drawn size of the NMOS devices to 10/1. To match the effective
resistance of the PMOS device to the NMOS device in the long-channel process, Table
10.1, we set the PMOS size to 30/1 (the width of the PMOS is three times the width of
the NMOS). For the short-channel process, we use a PMOS device of 20/1 to match the
effective switching resistances. Table 10.2 summarizes the parameters for general digital
design in the short- and long-channel processes used in this book. For specific digital
design solutions we may use a longer device if a higher resistance is needed or a wider
device if more drive current through the MOSFET is required.

Table 10.2 Parameters for general digital design using the long-channel (scale factor is 1 um) or
short-channel (scale factor of 50 nm) CMOS process used in this book.

Technology Drawn Actual size R C

np ox,n.p

NMOS (long-channel) 10/1 10pmby 1 um | 1.5k 17.5 fF
PMOS (long-channel) 30/1 30umby 1 um | 1.5k | 52.5/F

NMOS (short-channel) 10/1 | 0.5 ym by 50 nm | 3.4k | 625aF
PMOS (short-channel) 20/1 1 umby 50 nm | 3.4k 1.25fF
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10.2 The MOSFET Pass Gate

Consider the NMOS device seen in Fig. 10.13a. This is the configuration we are
accustomed to looking at, that is, where the NMOS device pulls the output to ground. In
(b) we flip the MOSFET in (a) on its side and change the labels from ground to “logic 0”
and from VDD to “logic 1.” Note the locations of the source and drain in these
configurations. Also note that in (b) the output is pulled all the way to ground (to a good
“0”). It can be said that an NMOS device is good at passing a “0.”

Next look at the configuration in (c). The configurations in (b) or (c) are
sometimes called the pass gate (PG) configuration. The MOSFET passes the logic level
on its input to its output when its gate is driven to ¥DD (when the PG is enabled). Note
that when the PG is disabled (its control gate is driven to ground), the outputs are in a
high-impedance state (a Hi-Z state). The PG can be useful when sharing a bus or a logic
circuit. Also note that the inputs and outputs of the PG can be swapped. Logic flow
through the PG can be bi-directional.

Returning to (c), we see that if the input to the PG is a “1” we can no longer think
of the input as the source of the MOSFET like we did in (a) and (b). If we were to do so,
then the ¥, of the MOSFET would be zero and the MOSFET would be off. If the NMOS
device were off while its gate was driven to VDD, then this would contradict our
comments at the beginning of the chapter associated with Fig. 10.1. To keep the
MOSFET on, we need at least a V5 of V. As seen in (d) of the figure, this means that
the NMOS PG passes a “1” with a threshold voltage drop. It can be said that an NMOS
device is not good at passing a “1.” Figure 10.14 shows how the output of a PG varies as
its input transitions between ground and VDD using the 50 nm CMOS process.

Out, logic 0 logic 1
VDD D G
77—G| In,logic0 S D Out, logic 0
S
. (b)
In, logic 0 Same circuit
(@ VDD
VDD D
logic 1
_1G6

In,logicl D[]S Out,logic 17?7

(c) Out, loglc 172?
= VDD - Vryy

Same circuit

Figure 10.13 Using the NMOS switch as a pass gate.
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v  —uvin — vout

oo Y
1 =
In Out 06

o0 1.0 20 3.0 4.0 5.0
time nS

Figure 10.14 The input and output of an NMOS pass gate.

The PMOS Pass Gate

Figure 10.15 shows the operation of the PMOS PG. As expected the operation of the
PMOS device is complementary to the NMOS’s operation. The PMOS device turns on
when its gate is driven to ground. If its gate is pulled to VDD, the device is off (and the
output is in the Hi-Z state). In Fig. 10.15a the PG is passing a “1” to the output (the V; is
¥DD). In (b) a “0” is passed to the output. However, noting that the terminals we label
drain and source are swapped from (a), the output only gets pulled down to V.. In (b)
the ¥, of the MOSFET is V. It can be said that a PMOS PG is good at passing a 1 and
bad at passing a 0.

In D
VDD In S D Out VDD <7 S  Out Ve
@ ® Not ground
Figure 10.15 How the PMOS device does not pass a logic 0 well.
Example 10.3
Estimate the output voltages in the circuits seen in Fig. 10.16.
VDD -V
DD THN
VDD VDD VDD VDD l
[~ In
wo L L T
T W1 1o ME s o
Ml M2 M3 M5
(@) VDD — Vrun (b
VDD -2V un

Figure 10.16 Circuits used in Ex. 10.3.
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In (a) the output of M1 is VDD — Vryy. To keep M2 and M3 on, each MOSFET
must have a Vi of at least V,,,,. Because the gates of M2 and M3 are already at
VDD, the output of M1 gets passed through M2 and M3 to the final output of the
circuit. As seen in the figure this means the overall output is also VDD~ V.
We only take one threshold voltage hit.

In (b) the output of the M4 is ¥DD — Vryn. This is the gate voltage of MS5. For
MS to be on its gate-source voltage must be greater than V. The final output is
then VDD - 2V, (again as seen in the figure). ®

10.2.1 Delay through a Pass Gate

Consider the PG configuration seen in Fig. 10.17a. Let’s estimate the delay between the
input and the output of the PG. Note that if the input to the circuit is a “0” the PG behaves
like the configuration seen in Fig. 10.4 and the output gets pulled all the way down to
ground. Let’s consider the configuration seen in Fig. 10.17b where the input is
transitioning from a “0” to a “1” (VDD). The capacitance that the input sees is Co./2. The
total load capacitance is

Cior=Cr+ % (10.24)
The delay through the PG can be estimated as
taelay =0.7-RyCroy=0.7-Ry - (CL + —Cf) (10.25)

Let’s use this result in an example.

Control

|
n_ [ Out_L

$CL

(a) Delay from the input to the output
through a pass gate. (b) The capacitances and effective resistance

when turning the MOSFET on with an input 1.

Figure 10.17 Estimating the delay through a pass transistor.

Example 10.4
Estimate the delays through the PGs shown in Fig. 10.18. Verify your estimates
with simulations. Use the 50 nm (short-channel) CMOS process.

The MOSFETSs used in this example have the effective resistances and oxide
capacitances listed in Table 10.2. Because the oxide capacitance (the MOSFET’s
capacitance) is much less than the load capacitance, we can write

tdelay ~0.7- Rn,pCL (10.26)
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vDD
In Out In [ Out
10/1 L 20/1 €L

g 50f g 50f

Figure 10.18 Circuits used to calculate delays in Ex. 10.4.

For the NMOS or PMOS PGs in Fig. 10.18 the delays are estimated as
taelay = 0.7 - 3.4k - SOfF = 120 ps

The simulation results are seen in Fig. 10.19. If we measure the output delays in
Fig. 10.19 at 50% of VDD (500 mV), as defined in Fig. 10.9, then we get
considerably different values from our hand calculations. The fact that the outputs
of the PGs don’t swing all the way to the power supply rails changes the points
where we would measure the delays (to, say, 50% of the output swing). Again, it’s
important to note that our hand calculations give approximate delays and, more
importantly, can indicate the location of a speed limitation in a digital circuit. The
hand calculations won’t provide exact delay values. Even if they could, the results
would be subjective, dependent on the locations (voltage levels) on the input and
output waveforms where we measure the delay. B

v —vin — vout Inputs v —um — vout

:: ,,,,,,,,, i :a _____________ /

0.4 \ 0.4
BN 0 1S o
u i B

0.0 0.5 ‘lD 1.5 2.0 S 0 5 1.0 1.5 2:0 2.5
tine nsS NMOS / tine nS PMOS
Outputs

Figure 10.19 The delay through the PGs in Fig. 10.18.

The Transmission Gate (The TG)

The observant reader may be wondering: “If an NMOS PG passes a 0 well and a PMOS
PG passes a | well, can’t we put the two together and pass full logic levels?” The
resulting circuit is called a transmission gate, TG, and is seen in Fig. 10.20. When the
select control signal, S, is high, the TG is on and the input is passed to the output. The
drawbacks of the TG over the PG are increased layout area and the need for two control
signals (S and its complement). The benefit of using the TG is its rail-to-rail output
swing. We’ll discuss the TG in more detail in Ch. 13.
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Figure 10.20 Simulating the operation of a transmission gate.

Also seen in Fig. 10.20 are simulation results showing the delay through the TG.
For the values seen, the load capacitance is, again, much larger than the oxide
capacitances of the MOSFETS, so we can calculate the delay as
taety = 0.7 - (RIIRy) - C (10.27)
Using the results from Ex. 10.4, the delay is estimated as 60 ps (very close to the
simulation results).
10.2.2 Delay through Series-Connected PGs

Consider the series connection of (identically sized) NMOS PGs seen in Fig. 10.21.
Reviewing Fig. 10.17, we see that capacitance on the internal nodes, in between
MOSFETSs, is C,, (a contribution of half of C, from each MOSFET). To approximate the
delay through the MOSFETs, we can use Eq. (2.32) or

tdelay ~0.35 'Rn : Cox ‘ 12 (1028)

Noting R,C . is the process characteristic time constant, 7, , we can quickly estimate
delays through series-connected PGs without doing much of a calculation. For example,

VDD
-I
N S 1
mw eee — L ou
In Rn Rn Rn [ N N J Rn Out

G I I YT T T
R N L

Figure 10.21 How a series connection of MOSFETs behaves like an RC
transmission line (see Fig. 2.22).
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we know that 7, , for the 50 nm process, is 2.1 ps from Ex. 10.1. If we have 10 NMOS
PGs in a row, the delay through the string is estimated as 73.5 ps.

Example 10.5
Estimate the delay through the circuit in Fig. 10.22. Verify the estimate with a
SPICE simulation. Use the 50 nm process with 10/1 NMOS devices.

VDD
T
I I S N
L r w
n 1 2 3 eoe 10

Ct
g 50f
Figure 10.22 Circuit used in Ex. 10.5.

The total delay is the sum of the RC transmission line delay with the delay in
charging the load capacitance through the 10 PGs. This delay can be written for
the general case as

laciy ©035 Ry - Cor - P +0.7-1-R, - Cy, (10.29)
For the present example, the delay is
73.5ps
—_———
taetay = 0.35-2.1ps-(10)* +0.7-10-3.4k-50f~ 1.2 ns (10.30)

The simulation results are seen in Fig. 10.23. B

v —vout — vin‘)‘lput

Output

0.4 \e/

0 6.0 8.0 10.0 12.0 4.0 16.0
tine nS

Figure 10.23 Simulating the operation of the circuit in Fig. 10.22.

10.3 A Final Comment Concerning Measurements

Notice that the capacitances we are discussing in this chapter are relatively small. When
making measurements it is extremely easy to add a capacitance to the circuit that
significantly increases the delays (and may cause circuit failure). Towards understanding
this comment in more detail consider the compensated scope probe shown in Fig. 10.24.
In (a) we see the input impedance of the oscilloscope (o-scope) is a 1 MQ resistor in
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Scope

100 pF/m

/

Probe tip Probe cable

10 pF

(a)

15 pF
P } Scope

A1
/ 9MEG ! glo‘”’F 1| ME l1opF

Probe tip Probe cable
(b)
Approximation to calculate
10 MEG 10 pF effects of loading
Probe tip l
©

Figure 10.24 Showing how a common scope probe is assembled.

parallel with a 10 pF capacitor. (The actual values are indicated next to the connector on
the front of the particular o-scope.) If we connect a piece of cable (co-axial cable or
simply coax) from the circuit under test to the input of the scope, we introduce significant
capacitance into the circuit. As seen in (a) the cable’s capacitance may be as much as 100
pF/meter. Using a piece of coax to probe the circuit (alone) would then add a 110 pF
capacitor and a 1 MQ resistor to ground at each point we probe! Understanding this is
important. It’s common to see new engineering students, in a digital logic lab for
example, probing with a cable (that is, without an o-scope probe). They may wonder why
their circuits don’t work or only work at slow speeds.

To compensate for the cable capacitance, the probe tip has a series resistor and
capacitor added in between the cable and the probe tip, (b). This combination of a cable
and probe tip RC is called a compensated scope probe. The RC in the probe tip is
adjusted to have nine times the impedance of the RC from the scope’s input to ground
(the cable capacitance in parallel with the scope’s input impedance) over all frequencies
of interest. In other words, a 10:1 voltage divider exists between the probe tip and the
input of the scope (and so the minimum signal we can measure increases when using a
compensated scope probe). The big benefit, as seen in the approximation for the loading
in (c), is that the size of the capacitance introduced into the circuit is reduced. For probing
on-chip (or on-wafer), special probes are used with active devices in the probe tips (to
reduce the probe’s loading on the circuit it is measuring). Active probe tips, called
femtoprobes, can be purchased that only have femtofarads amounts of loading.
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ADDITIONAL READING

(1]

J. P. Uyemura, Introduction to VLSI Circuits and Systems, John Wiley and Sons
Publishers, 2002. ISBN 0-471-12704-3.

[2] R. L. Geiger, P. E. Allen, and N. R. Strader, VLSI-Design Techniques for Analog
and Digital Circuits, McGraw-Hill Publishing Company, 1990. ISBN
0-07-023253-9.

PROBLEMS

10.1 Using the parameters in Table 6.2, compare the hand-calculated effective digital
switching resistance from Eq. (10.6) to the empircially derived values given in
Table 10.1.

10.2 Regenerate Fig. 10.14 for the PMOS device.

10.3 Using SPICE verify the results of Ex. 10.3.

10.4 Replacing the NMOS PGs in Fig. 10.16 with PMOS PGs and changing the VDD-
connected nodes to ground-connected nodes, show, and verify with simulations,
the outputs of the two modified circuits.

10.5 For the following circuits estimate the delay between the input and the output. Use

the 50 nm (short-channel CMOS) process. Verify the estimates with SPICE.

Out Out
In 20fF 20fF
—1 10/1 g ln___{ 10/1 g
VDD
(@) ‘l‘—‘ 10/10
(b)
VDD

< QO O 0 O

1“44 20/20
M
g 20F In All 20/1 g 10fF

(©) d

Figure 10.25 Circuits used in Problem 10.5.
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Possible Student Projects

This section lists some possible student projects for fabrication through the MOSIS
service (see Ch. 1). Generally, two to four student projects should be implemented on one
chip. MOSIS will return to the MOSIS liaison (generally, the course instructor) several
copies of each chip design submitted.

The design rule-checked designs should be turned in along with (1) one sheet of
paper showing the logic level diagrams and pin connections so that whoever is evaluating
the chip can quickly determine functionality, and (2) final reports that consist of a block
diagram, schematic diagram, layout information, hand calculations, SPICE simulations,
and clear explanations (and trade-offs) of the operation of the circuit.

1. Quad 2-input MUX

2. Clock-doubling circuit using exclusive OR gate

3. Buffer with tristate outputs

4. SR flipflop with tristate outputs

5. Edge-triggered T flipflop

6. Edge-triggered D flipflop

7. Schmitt trigger

8. 1-of-16 decoder

9. Up counter with asynchrounous reset

10.  4-bit static shift register

11.  4-bit dynamic shift register

12.  2-bit adder with carryout

13.  Current-starved VCO with center frequency of 20 MHz
14.  2-bit bidirectional transceiver

15. PE gate to implement X=A4+BCD + EF

16.  One-shot whose output pulse width is determined by external RC
17.  Buffer for driving a 20 pF load with minimum delay

18.  Buffer for driving a 20 pF load with smaller layout area
Advanced projects

19. A 64-bit static RAM including a storage cell, addressing and decoding circuitry,
buffers, a write/read enable, and a chip select.

20. Charge pump (voltage generator). The input to the charge pump is ¥DD (= 5 V)
and the output is -3 V. The circuit should be fully simulated. The reference,
oscillator, and feedback should be fully simulated and discussed in the final
report.
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21.

22.

A 64-bit DRAM, including a storage cell, addressing and decoding circuitry,
buffers, a write/read enable, and a chip select.

A DPLL which will take a 1 MHz input and generate a 4 MHz output. The output
should follow the input for frequency changes from 900 kHz to 1.1 MHz. You
should discuss the transient properties of the DPLL, as well as present a detailed
design of the phase detector, VCO, and loop filter. The entire design should be
monolithic; that is, no external components should be used.
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The Inverter

The CMOS inverter is a basic building block for digital circuit design. As Fig. 11.1
shows, the inverter performs the logic operation of 4 to 4. When the input to the inverter
is connected to ground, the output is pulled to VDD through the PMOS device M2 (and
M1 shuts off). When the input terminal is connected to VDD, the output is pulled to
ground through the NMOS device M1 (and M2 shuts off). The CMOS inverter has
several important characteristics that are addressed in this chapter: for example, its output
voltage swings from VDD to ground unlike other logic families that never quite reach the
supply levels. Also, the static power dissipation of the CMOS inverter is practically zero,
the inverter can be sized to give equal sourcing and sinking capabilities, and the logic
switching threshold can be set by changing the size of the device.

VDD
VDD

_CI M2
A Input 4 D@ 4 Output

LN

Input Output
L il

Figure 11.1 The CMOS inverter, schematic, and logic symbol.

11.1 DC Characteristics

Consider the inverter shown in Fig. 11.2 and the associated transfer characteristic plot. In
region 1 of the transfer characteristics, the input voltage is sufficiently low (typically less
than the threshold voltage of M1), so that M1 is off and M2 is on (Vi >> V). As ¥, is
increased, both M2 and M1 turn on (region 2). Increasing V,, further causes M2 to turn off
and M1 to fully turn on, as shown in region 3.
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1 2 3
A
VDD Output, V| M2 on ,
v Mloff:  Bothon !
oH !
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M2 [ 1
Vin b :
. ] Output . !
nput [ !
P —| Mi y :
+ . ' M2off
! |
Vast _ VoL ‘ i € Ml on SV
Input, V
Vi Vi P

Figure 11.2 The CMOS inverter transfer characteristics.

The maximum output “high” voltage is labeled V,, and the minimum output

“low” voltage, ¥,,. Points A and B on this curve are defined by the slope of the transfer
curves equaling —1. Input voltages less than or equal to the voltage ¥, , defined by point
A, are considered a logic low on the input of the inverter. Input voltages greater than or
equal to the voltage ¥, , defined by point B, are considered a logic high on the input of
the inverter. Input voltages between V,, and ¥, do not define a valid logic voltage level.
Ideally, the difference in ¥, and V), is zero; however, this is never the case in real logic

circ

uits,

Example 11.1

Using SPICE, plot the transfer characteristics for the inverter seen in Fig. 11.3 in
both the long- and short-channel CMOS processes used in this book. From the
plot, determine V,,, V,,, ¥, and V,, .

VDD Width of the PMOS over width of the NMOS.
+
‘:_q M2, 10/1 10/10
Input > O
—e Output
N M1, 1071 Lengths are minimum and not indicated.

Figure 11.3 Inverter used in Ex. 11.1,

The inverter voltage transfer curves (VTCs) are shown in Fig. 11.4. Notice how
the ¥DD used for the long-channel process is 5 V, while the ¥DD used in the
short-channel, process is 1 V. The output high voltage, ¥V, , is ¥DD and the
output low voltage, ¥, , is ground (for both inverters). For the inverter using the
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Figure 11.4 Voltage transfer curves (VTCs) for a long and a short channel inverter.

long-channel process, V,, is approximately 1.8 V while, when using the
short-channel process, ¥V, is approximately 400 mV. For V,,, we get 2.1 V and 500
mV for the long- and short-channel processes, respectively.

Note that in Fig. 11.4 we also plotted the crossing current (the inverter’s
output voltage crossing between a logic 1 and a logic 0). This is the current that
flows when the inverter is operating in region 2 in Fig. 11.2 (the inverter’s input
transitioning from a high to a low or from a low to a high). If the inverter’s input
transitions quickly, the amount of charge pulled from VDD (the amount of time
the inverter is operating in region 2) is small. However, if the inverter’s input
logic signal transitions slowly or the logic levels don’t swing all the way to the
power supply rails (like what we get with the pass gates discussed in the last
chapter, see Fig. 10.19), it’s possible for a significant current to flow through the
inverter (important!) B

Noise Margins

The noise margins of a digital gate or circuit indicate how well the gate will perform
under noisy conditions. The noise margin for the high logic levels is given by

NMy=Voy—Vin (11.1)
and the noise margin for the low logic levels is given by
NMy=Vy-Vo (11.2)

For VDD =1V, the ideal noise margins are 500 mV; that is, NM, = NM,,= VDD/2.
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Inverter Switching Point

Consider the transfer characteristics of the basic inverter as shown in Fig. 11.5. Point C
corresponds to the point on the curve when the input voltage is equal to the output
voltage. At this point, the input (or output) voltage is called the inverter switching point
voltage, V, , and both MOSFETs in the inverter are in the saturation region. Since the
drain current in each MOSFET must be equal, the following is true:

Bn By

o (VDD = Vsp = Vp)? (11.3)

(Vsp—Vran)* =
Solving for Vg, gives

JE - Viu+ (VDD V)
B
1+ ‘/E

1 2 3

Vep = (11.4)

A

Output, V M2on !

i Slope = 1 (output V = input V)
Mloffi  Bothon |

At point C, both M1 and M2
are in the saturation region.

R 7 «
i

!
1
1
‘ Vsp

! |

! | M2off

! i\ Mlon

Vsp Input, V g

Figure 11.5 Transfer characteristics of the inverter showing the switching point.

Ideal Inverter VTC and Noise Margins

The ideal voltage transfer curves for an inverter are seen in Fig. 11.6. The ideal switching
point voltage, Vg, , is VDD/2. As seen in Egs. (11.1) and (11.2), this makes the noise
margins equal to ensure the best performance (a noise margin, say the logic low level,
isn’t improved at the cost of the other margin). When looking at Fig. 11.6, notice that,
unlike what is seen in Fig. 11.5, the inverter never operates where both MOSFETs are on.
The input to the inverter is recognized as eithera I ora 0.

Example 11.2
Estimate B, and B, so that the switching point voltage of a CMOS inverter
designed in the long-channel CMOS process is 2.5 V (= VDD/2).

Solving Eq. (11.4) with Vg, = 2.5 V for the ratio B,/B, gives a value of
approximately unity. That is,
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Wi _gp P2

Ly Ky L

Since KP, = 3KP,, the width of the PMOS device must be three times the width
of the NMOS, assuming equal-length MOSFETs. For V, = 2.5 V, this requires

Wy =3W,

Bn=Bp=KPx

which is also the requirement for making R, = R,. This is an important practical
result. It shows how the electron and hole mobilities are related to both the
effective switching resistances and the switching point voltage. As seen in Table
10.2, we often increase the widths of the PMOS devices to try to center Vg, and
equate the propagation delays (the pull-up resistance, R, , is the same as the
pull-down resistance R ). &

A
Output, V

VDD

VDD VDD
2

> Input, V

Figure 11.6 Ideal VTCs for the inverter.

Example 11.3

Show, using SPICE, that the inverter seen in Fig. 11.7 and implemented in the
short-channel CMOS process has a switching point voltage close to the ideal
value of VDD/2. Comment on the sizes of the devices.

The simulation results are seen (also) in Fig. 11.7. Because we’ve sized the width
of the PMOS to twice the width of the NMOS (see Table 10.2), the switching
point is close to the ideal value of ¥DD/2. We know that short-channel devices
don’t follow the square-law models and so we can’t use Eq. [11.4] to calculate the
Ve in our 50 nm process. We can, however, get a good estimate using the
effective switching resistances as seen in the figure (a voltage divider). When R =
R, , the switching point voltage is close to ideal. By changing the widths of the
devices, we can adjust the switching point voltage. In other words, for a
short-channel CMOS process we can use

R
- L 11,
Vsp = VDD AR, (11.5)

to estimate Vg, This equation does have limitations. For example, if R, > R ,
then this equation indicates Vg, is ¥DD. However, we know that V, has to be
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" Output — vout
20/10 oo ‘ |
Input DO Output Vsp - : !
~r B ETITEN SRR SRS
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VDD = 1 v 0.40f--
0.20 //,
Rp 0.00 il

R, 3.41:\

Simplified circuit to calculate switching-point voltage.
Figure 11,7 Switching point voltage for an inverter in the short-channel process.

greater than ¥V, and less than VDD — V,,,, (make sure that this is understood).
]

Example 11.4

Show, using SPICE and the long-channel process, the transfer curves for the
CMOS inverter with transconductance ratios ./B,of 3, 1, and 1/3. Explain what
changing the inverter ratio does to the transfer characteristics.

The simulation results are seen in Fig. 11.8. For all three DC sweeps the
MOSFET’s lengths are 1. For the case when B./B, =1, the W, = 10 and W, = 30.
For the case when B./B, =3, the W, = 10 and W, = 10, etc. Increasing the strength
of the NMOS (increasing the NMOS’s width, which decreases R,) causes the
switching point voltage to decrease. We also get a decrease in V, by decreasing
the strength of the PMOS device (which increases R ). #

v — voutl — vout3
— vout333

Figure 11.8 Sizing the inverter changes the switching point voltages.
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11.2 Switching Characteristics

The switching behavior of the inverter can be generalized by examining the parasitic
capacitances and resistances associated with the inverter. Consider the inverter shown in
Fig. 11.9 with its equivalent digital model. Although the model is shown with both
switches open, in practice one of the switches is closed, keeping the output connected to
VDD or ground. The effective input capacitance of the inverter is

Cin = %(Coxl + CuxZ) = Cinn + Cinp (1 16)

The effective output capacitance of the inverter is simply
Cout =Con + Cax2 = Cauln + Cnutp (1 17)
The intrinsic propagation delays of the inverter are

tpry =0.7 -sz ~Couw and tp =0.7 - Ry - Cous (118)

YDD VDD VDD
VDD T T

_3 P
Ci"P - 5Cox2 T sz — Coutp =Cox
M2

M2
Output Input

Output

Input
P Ml

N
Ml
VGS[ Cinn = %Cox] _- Rnli = Coun = Cox]

I

Figure 11.9 The CMOS inverter switching characteristics using the digital model.

[ 1

Example 11.5
Estimate and simulate the intrinsic propagation delays of the inverter seen in Fig.
11.7. Estimate the inverter’s input capacitance.

From the data in Table 10.2 and Egs. (11.6) to (11.8), we can write
tprr =tpry = 0.7 3.4k - (0.625+1.25) fF=4.5 ps

The simulation results are seen in Fig. 11.10. The intrinisic delays are
considerably larger than this calculation (around 20 ps).

Using Eq. (11.6), the inverter’s input capacitance is

Cin= -:;—(0.625 +125) fF =28 fF

Sizing up the width of the PMOS so that its effective resistance is equal to R, has
the unwanted effect of increasing the inverter’s input capacitance. B
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Figure 11.10 The intrinsic propagation delays of an inverter.

The propagation delays for an inverter driving a capacitive load are
tprr = 0.7 Rp2 * Cror = 0.7 - Rp - (Cour + Cioad) (11.9)
and
traL = 0.7 Rat * C1o0 = 0.7 - Rt + (Cous + Cloaa) (11.10)

where C,, is the total capacitance on the output of the inverter, that is, the sum of the
output capacitance of the inverter, any capacitance of interconnecting lines, and the input
capacitance of the following gate(s).

Example 11.6
Estimate and simulate the propagation delays for the circuit seen in Fig. 11.11.
Use the 50 nm CMOS process.

Because the load capacitance is much larger than the output capacitance of the
inverter, we can rewrite

tpry =0.7 -sz < Crr = 0.7 -sz < Cload = 120]75
and
tpaL =07 Rn1 - Cior 0.7 Rt - Croad = 120]76‘

The simulation results are seen in Fig. 11.11. Notice that we are treating the
MOSFETs used in the digital circuits as resistors and calculating the delays with a
simple product of these resistors with the load capacitance. B

v —wout —vin
1.8

20/10 Out v

In > Out \:\:\) /
—IV— 50 fF n -

tine oS

Figure 11.11 The delay associated with an inverter driving a 50 fF load.
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The Ring Oscillator

The odd number of inverters in the circuit shown in Fig. 11.12 forms a closed loop with
positive feedback and is called a ring oscillator. The oscillation frequency is given by

fosc = 1

—_— 11.11
n-(tpar + term) ( )

assuming that the inverters are identical and » is the number (odd) of inverters in the ring
oscillator. Since the ring oscillator is self-starting, it is often added to a test portion of a
wafer to indicate the speed of a particular process run. The sum of the high-to-low and
low-to-high delays is used to calculate the period of the oscillation because each inverter
switches twice during a single oscillation period.

S

Figure 11.12 A five-stage ring oscillator.

When identical inverters are used the capacitance on the inverter’s input/output is
the sum of an inverter’s input capacitance with the inverter’s output capacitance, see Fig.
11.9, or

C;
Cour —

= 3 _5
Ctol = Coxp + Coxn + E . (Coxp + Caxn) = E . (Coxp + Coxn) (1 112)

where, again, Coy, = Cly- W, - L, - (scale)? and Cogn = Cly - W, - Ly - (scale)® . The delay
is then calculated using

tegr +tpr=0.7-(Ry +Rp) - Cror (11.13)
Dynamic Power Dissipation

Consider the CMOS inverter driving a capacitive load shown in Fig. 11.13. Each time the
inverter changes states, it must either supply a charge to C,, or sink the charge stored on
C,, to ground. If a square pulse is applied to the input of the inverter with a period T and
frequency, f,, , the average amount of current that the inverter must pull from VDD,

recalling that current is being supplied from VDD only when the PMOS device is on, is

_ QCtot _ VDD - Ctat
Iovg = T = T (11.14)
The average dynamic power dissipated by the inverter is
. 2
Pasg = VDD - Iy = —Cl”——TVD—D = Cut- VDD -fop  (11.15)
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VDD
T
<> T Charge supplied
I I I | DC <> M2 when input is low
t
Inpu ‘i M lf i Coot

Charge removed
when input is high

-

Figure 11.13 Dynamic power dissipation of the CMOS inverter.

Notice that the power dissipation is a function of the clock frequency, power supply
voltage, and load capacitance. A great deal of effort is put into reducing the power
dissipation in CMOS circuits. One of the major advantages of dynamic logic (Ch. 14) is
its lower power dissipation.

To characterize the speed of a digital process, a term called the power delay
product (PDP) is often used. The PDP, measured in Joules, is defined by

PDP=Pan'(IpHL+tpLH) (1116)

These terms can be determined from a ring oscillator. The PDP is frequently used to
compare different technologies or device sizes; for example, a GaAs process can be
compared with a 50 nm CMOS process. Although the GaAs process may have a lower
propagation delay, the power dissipation may be larger and result in a larger PDP.

Example 11.7

Estimate the oscillation frequency of an 11-stage ring oscillator in the 50 nm
process using the inverter seen in Fig. 11.7 (see Table 10.2). Verify the estimate
with simulations.

Using the data in Table 10.2 and Egs. (11.11) — (11.13), we can write
Cior = % - (1.25+0.625) fF = 4.7 fF

and
tpay +tpry =0.7-(3.4k+3.4k)- 4.7 fF =22 ps

For an 11-stage ring oscillator, we get an oscillation frequency of

./;)sc = L

—L ___si0m
11-(22 ps) ’

The simulation results are seen in Fig. 11.14. The simulated oscillation frequency
is close to 1.25 GHz or considerably different from our hand calculations (as will
be the case when delays are close to the intrinsic values). The average power, P,
dissipated by a single inverter in this ring oscillator, using Eq. (11.15), is
estimated as 19.6 uW. The PDP for the 50 nm process is then 431 x 10-¥ J.
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11.4 Sizing for Large Capacitive Loads

Designing a circuit to drive large capacitive loads with minimum delay is important when
driving off-chip loads. As we saw in Ex. 11.6, a large load capacitance can drastically
affect the delay through an inverter. Remembering our discussion in Sec. 10.3, we see
that using a standard scope probe to measure an output signal can result in delays that are
microseconds in length. In order to avoid this situation, we add a buffer circuit (a string of
inverters) between the on-chip logic and the bonding pads. In this section we discuss how
to design (select the widths of the MOSFETSs) for low delays.

Buffer Topology

Consider the inverter string (a buffer) driving a load capacitance, labeled C,,, and shown
in Fig. 11.19. Moving towards the load in a cascade of the N inverters, each inverter
larger than the previous by a factor 4 (that is, the width of each MOSFET is multiplied by
A), a minimum delay can be obtained as long as 4 and N are picked correctly. Each
inverter’s input capacitance is larger than the previous inverter’s input capacitance by a
factor of A4,
Cima=A-Cin and Cins =A - Cing = A2 - Cip1, etc. (11.17)

The effective switching resistances are also divided by a factor of 4, resulting in the same
delay for each stage of the buffer,

Rn,pZ _ Rn,pl

4 A

In other words, the effective switching resistance of the NMOS in the third inverter is
1/4% smaller than the effective switching resistance of the NMOS in the first inverter.

Rn,pl
A

Rupr = and R,p3 = (11.18)

AW W) AWl Wat)  AXWpl/Wa)) AWy /W)
In Out
1 2 3 4
DO {>C DO DO icwad

Figure 11.19 Cascade of inverters used to drive a large load capacitance.

If the load capacitance equals the input capacitance of the last inverter multiplied
by A4 (so that the load capacitance has a value equal to the input capacitance of the next
inverter if an additional inverter were used), then

Input C of the final inverter = C;,; - AV = Cloaa (11.19)
or
1
Cload } ¥
A= |:— 11.20
Cinl ( )

Again, the delays of each stage in the buffer are equal. The total delay of the inverter
string is given by
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(R,,] +Rp1)
A

Second-stage delay

(tpHL + tPLH) 10101 =0.7 - (Rn1 + Rp1t Y Count + ACin) +0.7 - (ACou1 +A%Cint) ...

First-stage delay

(11.21)

Because as the inverters are increased in size by A, their capacitances, both input and
output, increase by 4, while their resistances decrease by a factor 4. This equation can be
rewritten as

N
(tPHL + tPLiD) o101 = 0-7'5 Rt + Rp1))(Court + ACin1) = 0.7 - N(Rus + Rp1 )(Count + ACin1)
1

(11.22)
or with the help of Eq. (11.20):

1
¥
(tprL + trLE) 1ol = 0.7 - N(Rmy + Rp1) - (Com + (Cgo"ld) . CM] (11.23)
The minimum delay can be found by taking the derivative of this equation with respect to
N, setting the result equal to zero, and solving for N. Taking the derivative of Eq. (11.23)
with respect to N gives

1 1
Coa L Coa ¥In Coa /Cin
0.7- ((R,,l +Rp1)Coun + (Rm +R,,1)C,-,,1(( Cl,mdj +N- (_Clldj ( 1_;2 1))} =0

(11.24)

The first term in this equation is the intrinsic delay of the first inverter in our cascade of
inverters. This first stage represents, generally, the on-chip logic gate and is not part of
the buffer. The first inverter is included in the calculations to represent the limited drive
of the on-chip logic. If we assume that this delay is small, solving for N gives

N=1n Sload (11.25)
inl
Equations (11.25) and (11.20) are used in the buffer design to drive a large capacitance.
Note that the larger the first inverter, the fewer the number of inverters needed to drive a
given capacitive load.

Example 11.8
Estimate ¢,,, + t,,,, for the inverter shown in Fig. 11.11 driving a load capacitance
of 20 pF. Design a buffer to drive the load capacitance with a minimum delay.

The total propagation delay of the unbuffered inverter, Fig. 11.11, is given by
tpar +tpry = 0.7 - (3.4k+3.4k) - 20 pF) =95 ns !

Designing a buffer begins with determining C,,. For our 20/10 inverter in the 50
nm process, the C,,, (see Table 10.2) is %(1.25 +0.625) fF=2.81fF and C_,, is

inl

1.875 fF. To determine the number of inverters, we use
20 pF
281 fF

N= ln( ) =8.87 —> 9 stages
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To maintain the same logic, that is, an inversion of the input signal, we use seven
inverters. In practice, the difference in delay between eight and nine inverters is
negligible. If we did not want a logic inversion, we would use eight stages. The
area factor is then

1
20 pF |5®
A= =2.718=
{Z.SIfF} 2718=e

noting that for the minimum delay in all cases the widths are increased by e.
The total delay, using Eq. (11.23), is then
(tprL +tPLH) orr = 0.7 - 9 - (3.4k + 3.4k)(1.875 fF+2.718 - 2.81 fF) =407 ps

or over 200 times faster. Since the PMOS width is twice the width of the NMOS,
the propagation delay times, ¢,,, and ¢,,,,, are equal, or

(tPHL + tPLH) 10101

tpHL = tpLy = N =225ps
A schematic of the design is shown in Fig. 11.20. &
20/10  54/27 400/200 2,967/1,483 21,920/10,960
20 pF
148/74 1,092/546 8,064/4,032 $
59,570/29,780

Figure 11.20 Buffer designed in Ex. 11.8. Attains the minimum
delay but the buffer is not practical.

It should be clear that, although this technique results in the least delay in driving
the 20 pF load, the MOSFETs needed are very large. In many applications, the very
minimum delay through a buffer is not required. The value of A4 (ideally ) can be
considerably larger and have little impact on the delay of the buffer (reducing the number
of stages and their widths). Consider the following.

Example 11.9
Redesign the buffer of Ex. 11.8 with an 4 of 8. Compare the delay of the modified
(practical) buffer to the delay of the ideal buffer calculated in Ex. 11.8.

We can rewrite Eq. (11.20) as

N-lnA:ln%

inl
The natural logarithm of 8 is roughly 2 so we can solve for the number of stages
using

1 Claad
N=Ll.inSload _ 443
2 " Cim
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To maintain the logic inversion, we’ll use five stages. The delay is (roughly,
because we are using 5 instead of 4.43) calculated as

(tprL + tpLe) oy = 0.7 - 5 - (3.4k + 3.4K)(1.875 fF + 8 - 2.81 fF) = 580 ps

(not too much larger than the 407 ps calculated in Ex. 11.7). The resulting buffer
is shown in Fig. 11.21. B

20/10  160/80 10,240/5,120

J1
Do Do oo Po——an

1280/640 81,920/40,960 g

Figure 11.21 Buffer designed in Ex. 11.9.

Distributed Drivers

Consider the driver circuit shown in Fig. 11.22a containing 11 inverters. If all of the
inverters shown in the figure are the same size, the delay from the input to the output is

tpuL +tpr = 0.7 Ry + Rp)(Cour + 10Cir) (11.26)

Now consider the circuit shown in Fig. 11.22b with 13 inverters. Again, assuming all of
the inverters are the same size, the delay from the input to the output is

Outputs D Outputs
e
P
>
e

IHF&DO_ Input :

TYYTYTYTYY

®)

—~
&

Figure 11.22 Distributed drivers.
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tear +tprg = 0.7 - (R,, +R,,)[(Co,,, + 2Cin) + (Cm” + 5Cin)] =0.7- (Rn + Rp)[ZCout + 7Ci,,]
(11.27)

which is less delay than the circuit with 11 inverters. Distributing the signal into different
paths can reduce the propagation delays. Using the results from the last section, we can
get minimum overall delay when the delays through each layer of logic are equal. This
occurs when 4 = e (each inverter drives 2.718 other inverters) and Eq. (11.25) is used to
select the (number of) layers of logic. The load capacitance is equal to the number of
outputs multiplied by the capacitance on each output. In practice, again as we saw in the
last section, the change in delays isn’t too significant, as long as one logic gate (one path)
isn’t loaded too much (compare actual numbers in Eqgs. [11.26] and [11.27]).

At this point we can ask the question, “Why not make the first inverter in the
circuits of Fig. 11.22 really large (small R, and R) so that it has small effective
resistances for driving the ten inverters quickly?” The answer is simply that as we
increase the size of an inverter, we also increase its input capacitance. In SPICE
simulations, we use ideal voltage sources to drive the first gate in our circuit. In practice,
this inverter is driven from another gate somewhere on the chip. Increasing the size will
slow the propagation delay-time of the gate driving this inverter.

Driving Long Lines

Often when designing large systems, a signal may need to be driven across the chip. In
some cases, for example, in dynamic random-access memory (DRAM), the signal must
be transmitted over a line that has a large parasitic resistance and capacitance. We need to
develop a method of determining the delay through this line using hand calculations. This
will lend insight to the design and help to determine exactly how to design the driver (or
drivers).

Consider the driver circuit shown in Fig. 11.23. The inverter is driving an RC
transmission line with resistance/unit length, r, capacitance/unit length, ¢, and unit length,
I. We can estimate the delay from the input to voltage across the capacitor by adding the
delays. This is given by

torr +tpr = 0.7 [(Ru+ RpXCour + ¢ - 14 Cloaa) + 2 - (r- I(Cioaa)] +2 - 0.35 - rcl?
(11.28)

where the first term in this equation is the delay associated with the inverter driving the
total capacitance at its output to ground. The second term is the delay associated with
driving a capacitive load through the line’s resistance, while the last term is an estimate of

W=7
I $Cload

Figure 11.23 Driving an RC transmission line.
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the delay through the RC line. The most common method of reducing the delay through
the line is to place buffer stages at different locations along the line. This effectively
breaks the line up and can lower the overall delay. If C, , is a major contributor to the
delay, a buffer can be inserted between the RC line and C,,, to reduce the delay.

11.5 Other Inverter Configurations

Three other inverter configurations are shown in Fig. 11.24. The inverter shown in Fig.
11.24a is an NMOS-only inverter, useful in avoiding latch-up. There’s no PMOS device
so there’s no parasitic bipolar junction transistors. The inverters shown in Fig. 11.24b and
c use a PMOS load, which is, in general, most useful in logic gates with a large number of
inputs (more on this in the next chapter). In general, the selection of the MOSFET sizes in
(a) and (b) follows the 4-to-1 rule; that is, the resistance (R, or R)) of the load is made
four times larger than the resistance of M1. The resistance of the PMOS in (c¢) can be
made eight times the resistance of the NMOS. Because R, > R, the 7, will always be
greater than the #,,,. In other words, the switching times will be asymmetric.

For all inverter configurations in Fig. 11.24, a logic 1 input signal results in a DC
current flowing in both MOSFETSs. Making sure that this DC current isn’t too large is an
important design concern when sizing the MOSFETs. The output logic low will never
reach 0 V in these inverters (¥, doesn’t reach ground), and thus the noise margins are
poorer than the basic CMOS inverter of Fig. 11.1. The output high level of the inverter of
Fig. 11.24c will reach VDD, while the other inverter’s output high level will be a
threshold voltage drop below VDD. It might be concluded that the power dissipation of
the inverters shown in Fig. 11.24 is greater than the basic CMOS inverter. However, since
the input capacitance of these inverters is less than the basic CMOS inverter and the
output voltage swing is reduced, the inverter with the greatest power dissipation is
determined by the operating frequency. At high operating frequencies, the basic CMOS
inverter dissipates the most power. At DC or low frequencies, the inverter configurations
seen in Fig. 11.24 dissipate more power.

VDD VDD

VDD VDD
Out Out g Out
In I In
" Ml H Ml 4| Ml
(@ (b) ©

Figure 11.24 Other inverter configurations.
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NMOS-Only Output Drivers

Because of the susceptibility of the basic CMOS inverter to latch-up, output drivers
consisting of only NMOS devices are used. Figure 11.25 shows the basic “NMOS super
buffer.” When the input signal is low, M1 and M4 are off while M2 and M3 are on. The
output is pulled to ground through M2. A high on the input to the buffer causes M1 and
M4 to turn on pulling the output to VDD — ¥V, , assuming that the input high-signal
amplitude is VDD.

VDD VDD VDD
M3 M4
Out
In M2
Ml

Figure 11.25 NMOS super buffer.

The reduced output voltage of the NMOS-only output buffer can be improved
using the circuit of Fig. 11.26. The inverter driving the gate of M2 uses an on-chip
generated DC voltage of VDD + Vadd (where Vadd is large enough to ensure that M2
turns fully on and the output is driven to ¥DD). Thus, the output swings from 0 to VDD
similar to the CMOS output buffer. Note that with the addition of an enabling logic gate,
the gates of M1 and M2 can be held at ground, forcing the output into the high-impedance
(Hi-Z) state. (Note: Figure 18.40 shows two dynamic NMOS-only output drivers.)

VDD
VDD + Vadd

P v—

In {>O I M1

Figure 11.26 Output buffer using a pumped voltage.
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Inverters with Tri-State Outputs

Two configurations used in the design of an inverter with tri-state outputs are shown in
Fig. 11.27. A high on the S input allows the circuit to operate normally, that is, as an
inverter. A low on the S input forces the output into the Hi-Z, or high-impedance state.
‘These circuits are useful when data is shared on a communication bus. The logic symbol
for the tri-state inverter is shown in Fig. 11.27c. Note that the circuit in (a) dissipates
power even when the the select signal, S, is a low, while the circuit in (b) does not.
However, the circuit in (a) has faster switching times because the effective resistance seen
at the output to ground or VDD is lower (the NMOS and PMOS devices are in parallel).

VDD
VDD

(2)

(®)

tal

In Out

S

Figure 11.27 Circuits and logic symbol for the tri-state inverter.

Additional Examples

Additional delay calculations using inverters (and other CMOS circuit building blocks)
can be found in Sec. 13.4.
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PROBLEMS
Use the 50 nm CMOS process for the following problems unless otherwise stated.
11.1 Estimate the noise margins for the inverters used to generate Fig. 11.4.

11.2  Design and simulate the DC characteristics of an inverter with ¥V, approximately
equal to V,,,. Estimate the resulting noise margins for the design.

11.3  Show that the switching point of three inverters in series is dominated by the V,
of the first inverter.

11.4 Repeat Ex. 11.6 using a PMOS device with a width of 10.
11.5 Repeat Ex. 11.6 using the long-channel process with a 30/10 inverter.

11.6 Estimate the oscillation frequency of a 11-stage ring oscillator using inverters
30/10 inverters in the long-channel CMOS process. Compare your hand
calculations to simulation results.

11.7  Using the long-channel process, design a buffer with minimum delay (4 = 2.718)
to insert between a 30/10 inverter and a 50 pF load capacitance. Simulate the
operation of the design.

11.8 Repeat Problem 11.7 using an area factor, 4, of 8.

11.9 Derive an equation for the switching point voltage, similar to the derivation of Eq.
(11.4), for the NMOS inverter seen in Fig. 11.24a.

11.10 Repeat Problem 11.9 for the inverter in Fig. 11.24c. Note that the PMOS
transistor is operating in the triode region when the input/output are at V.
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Static Logic Gates

In this chapter we discuss the DC characteristics, dynamic behavior, and layout of CMOS
static logic gates. Static logic means that the output of the gate is always a logical
function of the inputs and always available on the outputs of the gate regardless of time.
We begin with the NAND and NOR gates.

12.1 DC Characteristics of the NAND and NOR Gates

The two basic input NAND and NOR gates are shown in Fig. 12.1. Before we get into the
operation, notice that each input into the gate is connected to both a PMOS and an NMOS
device similar to the inverter of the last chapter. We will make use of the results of Ch. 11
to explain the operation of these gates.

12.1.1 DC Characteristics of the NAND Gate

The NAND gate of Fig. 12.1a requires both inputs to be high before the output switches
low. Let’s begin our analysis by determining the voltage transfer curve (VIC) of a
NAND gate with PMOS devices that have the same widths, W, , and lengths, L, and
NMOS devices with equal widths of W, and lengths of L . If both inputs of the gate are
tied together, then the gate behaves like an inverter.

To determine the gate switching point voltage, ¥, , we must remember that two

MOSFETs in parallel behave like a single MOSFET with a width equal to the sum of the
individual widths. For the two parallel PMOS devices in Fig. 12.1a, we can write

Ws+Wa=2W, (12.1)

again assuming that all PMOS devices are of the same size. The transconductance
parameters can also be combined into the transconductance parameter of a single
MOSFET, or

B3+Pa=28, (12.2)

The two NMOS devices in series (with their gates tied together) behave like a single
MOSFET with a channel length equal to the sum of the individual MOSFET lengths. We
can write for the NMOS devices
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VDD

VDD
A N
M3 -—q M4 A B
_ B
5 B |
M2
Ml

Circuit used to determine transfer curves

Vin Vaut
(a) Schematic of a NAND gate
Vaul
VDD
Vin

qg
D

(b) Schematic of a NOR gate

w

Figure 12.1 NAND and NOR gate circuits and logic symbols.

Li+Ly=2L, (12.3)
and the transconductance of the single MOSFET is given by
[31+B2=% (12.4)

If we model the NAND gate with both inputs tied together as an inverter with an NMOS
device having a width of W, and length 2L, and a PMOS device with a width of 2/, and
length L, then we can write the transconductance ratio as

Transconductance ratio of NAND gate = 4[3[;' (12.5)
P

The V,, with the help of Eq. (11.4), of the two-input NAND gate is then given by
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‘%'; - Vrun + (VDD - VTHP)
Vsp = (12.6)

Bn
1+ 5,

or in general for an n-input NAND gate (see Fig. 12.2), we get

f NE‘I&F . VTHN + (VDD —_ VTHP)

Vsp= (12.7)
14 [
N2-B,

These equations are derived under the assumption that all inputs are tied together. If, for
example, only one input is switching, the V, will vary from what is calculated using Eq.
(12.7) (assuming the single input switching does indeed cause the gate’s output to
switch). This equation is used to show why NAND gates are preferred in CMOS design.
If equal- sized NMOS and PMOS devices are used, then, since the mobility of the hole is
less than the mobility of the electron, B, > B,. Using NMOS devices in series and PMOS
in parallel (as in the NAND gate) makes it easier to design a logic gate with the ideal
switching point voltage of VDD/2.

VDD VDD VDD

Ll

Output
N |
|
N—1 |
\
Inputs
. .
® ®
. .
‘ |
Figure 12.2 Schematic of an n-input NAND gate.
Example 12.1

Determine ¥V, by hand calculations and compare to a SPICE simulation for a
three-input NAND gate using 10/1 devices in the long-channel CMOS process
used in this book, see Table 6.2. Compare the hand calculations to simulation
results.
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The switching point voltage is determined by calculating the transconductance
ratio of the gate, or

5 120 pd/V 210
n _ 1 _
"} ]\72[3,, - 9.4 wviio 0.58

1
and then using Eq. (12.7),

_0.58-(0.8)+(5-0.9)
- 1+0.58

The SPICE simulation results are shown in Fig. 12.3. The simulation also gives a
Vg of approximately 2.9 V. B

Vsp =29V

vV ——out —vin Vi”
Vaut 5.0 N
y )
3.0 N .............
: Switching point
1.0 H
0

N :
0.0 1.0 2.0 3.0 4.0 5.0

Tveep Input voltage, Vi

Figure 12.3 VTCs of the three-input minimum-size (using 10/1 MOSFETs) NAND gate.

12.1.2 DC Characteristics of the NOR gate

Following a similar analysis for the n-input NOR gate (see Fig. 12.4) gives a switching
point voltage of

Vsp = (12.8)

Example 12.2

Compare the switching point voltage of a three-input NOR gate made from
minimum-size¢ MOSFETs to that of the three-input NAND gate of Ex. 12.1.
Comment on which gate’s V, is closer to ideal, that is, ¥, = VDD/2.

The transconductance ratio is calculated as

120 p4/v 2.10

—L— =52
40 pa/v 210

1

The ¥V, of the minimum-size three-input NOR gate is 1.33 V, while the ¥, of the
minimum-size three-input NAND gate was calculated to be 2.9 V. For an ideal
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N g

Inputs

2 9

Output

:
L Hi

Figure 12.4 Schematic of an n-input NOR gate.

gate, V, = 2.5V, so that the NAND gate is closer to ideal than the NOR gate. In
CMOS digital design, the NAND gate is used most often. This is due to the DC
characteristics, better noise margins, and the dynamic characteristics. We will also
see shortly that the NAND gate has better transient characteristics than the NOR
gate. B

. Vin
v —out —vin
Vuu! 5.0 \
4.0
3.0 \ """
Switching point
>
L e Sk R e S
0.0 L
0.0 1.0 2.0 3.0 40 50
— v Input voltage, Vi

Figure 12.5 VTCs of the three-input minimum-size (using 10/1 MOSFETs) NOR gate.

A Practical Note Concerning Vg, and Pass Gates

Reviewing Fig. 10.19, we see that passing a logic signal through a pass gate (PG) can
result in a reduction in the logic signal’s amplitude. Using an NMOS PG, for example,
results in an output signal swing from ground to VDD — V. If this logic signal is
connected to an inverter or a logic gate, we will want to set the ¥, to maximize the noise
margins. Using the NMOS PG, our inverter/gate would have a Vsp = (VDD — Vyuy)/2.
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yop DD voD voD
Ml [ M2 |: M3 oo MN
In
(XX} Out
i Cload
VDD VDD VDD VDD
R, R, R » R,
—Coxp —Coxp —Cop o009 == Cop
XY — ¢ Out
1 2 3 N

i Cload

Figure 12.7 Parallel connection of MOSFETs and equivalent digital model.

R
tpLy = 0.7- WP : (N Caxp + Cload) (1210)

This again assumes that the MOSFET’s gates are tied together (all are switching at the
same time). For NMOS devices in parallel, a similar analysis yields

trr =07 R—A;' (N~ Comn + Cload) 12.11)

The load capacitance, C,,, consists of all capacitances on the output node except the
output capacitances of the MOSFETs in parallel.
Series Connection of MOSFETs

Consider the series connection of identical NMOS devices shown in Fig. 12.8. We can
estimate the intrinsic switching time of series-connected MOSFETs by

tpar = 0.35 - RyCoxn - N? (12.12)

as discussed back in Sec. 10.2.2. With an external load capacitance, the high-to-low
delay-time becomes

tpar =035 Ry Coxn* N* +0.7-N- Ry, - Cioaa (12.13)
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Figure 12.8 Series connection of MOSFETSs and equivalent digital model.

For PMOS devices in series, a similar analysis yields
tpLH=0.35'RPCDIP'N2+0.7'N-RP~C[md (12.14)

These equations are approximations for the propagation delays which give results usually
to within a factor of two of the measurements.

12.3.1 NAND Gate

Consider the n-input NAND gate of Fig. 12.9 driving a capacitive load C,,,. The
low-to-high propagation time, using Eq. (12.10), is

R Caun
tr=0.7- W”(N Coup + N’ + c,.,ad) (12.15)

where here C,,, represents the capacitance external to the gate, whereas in Eq. (12.10)
C,.a Tepresented the capacitance external to the parallel PMOS devices. If the load
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e | Z

In —4

>

g Cload

Figure 12.9 An n-input NAND gate driving a load capacitance.

capacitance is much greater than the output capacitance of the NAND gate, the low-to-
high propagation time can be estimated by

R
tpen = 0.7 55+ Cload (12.16)

The high-to-low propagation time, using Eq. (12.13), is given by

tpaL =0.7-N- R,,[N- Coup + Cx’" + C,oad} +0.35 - RyCoun - N? (12.17)

If C,,,, is much larger than the output capacitance of the NAND gate, then
tprr 0.7 -N- Ry, - Clond (12.18)

Example 12.3

Estimate the intrinsic propagation delays, t,,, + t,,,, of a three-input NAND gate
made using 10/1 NMOS and 20/1 PMOS in the short-channel process. Estimate
and simulate the delay when the gate is driving a load capacitance of 50 fF.
Assume that the inputs are tied together.

Using the data in Table 10.2 and Egs. (12.15) and (12.17),

ﬂ‘-(s-l.zsﬂu OBIE 501

tpry=0.7- 3 3 +50fF‘}=43pS

and

tpy =0.7-3-3.4k- [3 125 fF+ 0.6235]F

+ SOjF] +0.35-3.4k-0.625 fF-9 =393 ps

The simulation results are seen in Fig. 12.10. B

Input

v
v
\

A4

P e —

tpLy

Figure 12.10 Simulating the operation of a 3-input NAND gate in 50 nm CMOS
driving a 50 fF load capacitance.
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Quick Estimate of Delays

The delay equations derived in this section are useful in understanding the limitations on
the number of MOSFETs used in a NAND gate for high-speed design. Notice, in Ex.
12.3, how the load capacitance term dominates the gate’s delay. A more useful, though
not as precise, method of determining delays can be found by considering the fact that
whenever the output changes from VDD to ground the discharge path is through N
resistors of value R . This is true if all or only one of the inputs to the NAND gate
changes, causing the output to change. Under these circumstances, Eq. (12.18) predicts
the high-to-low delay-time, or for series connection of N NMOS devices as,

tprr = 0.7-N-Ry - Cioaa (12.19)

The case when the output of the NAND gate changes from a low to a high is
somewhat different than the high-to-low case. Referring to Fig. 12.7, we see that if one of
the MOSFETs turns on, it can pull the output to VDD independent of the number of
MOSFETs in parallel. Under these circumstances Eq. (12.16) can be used with N =1 to
predict the low-to-high delay-time

tper = 0.7 Ry - Cload (12.20)

We will try to use Egs. (12.19) and (12.20) as much as possible because of their
simplicity. The further simplified digital models of MOSFETs are shown in Fig. 12.11.
(Input capacitance is not shown.)

| Drain Source
R
S pMmos
NMOS R,
Source | Drain

Figure 12.11 Further simplification of digital models not showing input capacitance.

Example 12.4
Repeat Ex. 12.3 using Eqgs. (12.19) and (12.20) with only one input switching.
Compare the results to simulations.

Using Eq. (12.19), we get

tpa =0.7-3-3.4k-50 fF =357 ps
and

tpry =0.7-3.4k- 50 fF = 119 ps

Figure 12.12 shows the simulation results. The delay through the NMOS devices
doesn’t change much from what was calculated in Ex. 12.3 since the load
capacitance dominates the delay. However, for the PMOS turning on, the delay is
considerably longer since only a single PMOS device is switching pulling the
output high. This situation (one input changing) is the more practical case. B
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Figure 12.12 Switching delays in a 3-input NAND gate with only one
changing states and driving a 50 fF load capacitance.

12.3.2 Number of Inputs

As the number of inputs, N, to a static NAND (or NOR) gate increases, the scheme
shown in Fig. 12.2 (Fig. 12.4) becomes difficult to realize. Consider a NOR gate with 100
inputs. This gate requires PMOS devices in series and a total of 200 MOSFETs (2N
MOSFETs). The delay associated with the series PMOS devices charging a load
capacitance is too long for most practical situations.

Now consider the schematic of an N input NOR gate shown in Fig. 12.13, which
uses N + 1 MOSFETs. If any input to the NOR gate is high, the output is pulled low
through the corresponding NMOS device to a voltage, when designed properly, well
below V. If all inputs are low, then all NMOS are off and the PMOS pulls the output
high (to ¥DD). A simple (long-channel) analysis of the output low voltage, V¥, , with one
input at VDD yields

2
B (vDD - V1ury? = B"[(VDD— Vas)Vor - %} (12.21)

The drawback of using this topology is the long pull-up time (#,,;,) resulting from the
large output capacitance of the parallel NMOS (and the load capacitance) together with
the large resistance of the long length pull-up device.

VDD

%7—(# LongL
NOR Out

A oA A oo

Figure 12.13 NOR configuration used for a large number of inputs.
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12.4 Complex CMOS Logic Gates

Implementing complex logic functions in CMOS requires the basic building blocks
shown in Fig. 12.14. We have already used the circuits to implement NAND and NOR
gates. In general, any And-Or-Invert (AOI) logic function can be implemented using these
techniques. A major benefit of AOI logic is that for a relatively complex logic function
the delay can be significantly lower than a logic gate implementation. Consider the
following example.

VDD

A
A‘_I NAND 44 NOR
5 —] B —
c— =L ,ire

(a) )

A VDD VDD VDD
NOR
Fdod
A 4{ B‘{ % C%
NAND —
© Z=4-B-C

@

Figure 12.14 Logic implementation in CMOS.

Example 12.5
Using AOI logic, implement the following logic functions:

Z=A+BC and Z=A+BC+CD

The implementation of the first function is shown in Fig. 12.15a. Notice that the
PMOS configuration is complementary with the NMOS configuration. The
function we obtain is the complement of the desired function, and, therefore, an
inverter is used to obtain Z. Using an inverter is, in general, undesirable if both
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Z=A4+BC

Z=4-(B+0C)
=A4+BC

(®)

Figure 12.15 First logic gate of Ex. 12.5.

true and complements of the input variables are available. Applying Boolean
algebra to the logic function, we obtain

Z=A+BC=>Z=A+BC=A-B+C)=>Z=4-(B+0)

The AOI implementation of the result is shown in Fig. 12.15b. Logically, the
circuits of Figs. 12.15a and b are equivalent. However, the circuit of Fig. 12.15b is
simpler and thus more desirable. Note that to reduce the output capacitance and
thus decrease the switching times, the parallel combination of NMOS devices is
placed at the bottom of the logic block.

The second logic function is given by

Z=A+BC+CD=A+C(B+D)=>Z=A+CB+D)=4-(C+BD)
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or
Z=A-(C+BD)

The logic implementation is given in Fig. 12.16. &

————27=4.(C+BD)
=A+BC+CD

Figure 12.16 Second logic gate of Ex. 12.5.

Example 12.6
Using AOI logic, implement an exclusive OR gate (XOR).

The logic symbol and truth table for an XOR gate are shown in Fig. 12.17. From
the truth table, the logic function for the XOR gate is given by

Z=A®B=(4+B)-(A+B) (12.22)
A B A®B
A OB 00 0
B 01 1
10 1
11 0

Figure 12.17 Exclusive OR gate.
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or
Z=A®B=(4+B)-(A+B)=A4-B+4-B
and finally
Z=4-B+A-B=A®B (12.23)
The CMOS AOI implementation of an XOR gate is shown in Fig. 12.18. B

VDD VDD

A—Ci B—O|

Z—q F—q Z-4.B+4-B=A®B
A_| 4

AL

Figure 12.18 CMOS AOI XOR gate.

Example 12.7
Design a CMOS full adder using CMOS AOI logic.

The logic symbol and truth table for a full adder circuit are shown in Fig. 12.19.
The logic functions for the sum and carry outputs can be written as

Sn=4,9B,®C,

A n B n Cn S n Cn+l
A‘l: 11,. 0 0 0 0 0
0 0 1 1 0
Carry-in Carry-out 01 0 1 0
C,—>{ Fulladder —> C,,, 0 1 1 0 1
1 0 0 1 0
i 1 0 1 0 1
s, 1 1 0 0 1
Sum-out L ! !

Figure 12.19 Full adder.
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oo s,

“A AT

Figure 12.20 AOI implementation of a full adder.
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and

Chi=4, B, +Cu(4,+B,)

The logic expression for the sum can be rewritten as a sum of products

Sp=A,ByCn+A,BnCr+A,B,Cr+A,B,Ch,

or since

the sum of products can be rewritten as

Cor = (4,+B,) - (C,+4, B)

Sn=(An+Bn+Cp)Cri1 +A,B,C,
The AOI implementation of the full adder is shown in Fig. 12.20.

Cascode Voltage Switch Logic

Cascode voltage switch logic (CVSL) or differential cascode voltage switch logic
(DVSL) is a differential output logic that uses positive feedback in the load of the logic
gate to speed up the switching times (in some cases). Figure 12.21 shows the basic idea.
A PMOS gate cross-connected load is used instead of PMOS switches, as in the AOI
logic, to pull the output high. Consider the implementation of Z=A4+BC. (This logic
function was implemented in AOI in Fig. 12.15.) Figure 12.22 shows how NMOS devices
can be used to implement Z and Z. The concern with this implementation is the
contention current. When one branch of the NMOS starts to turn on, a significant current
can flow through the “on” PMOS device. The amount of current flowing in the
conducting PMOS load device(s) can be reduced by increasing their lengths. However,
this has the unwanted side effects of lengthening the delay times.

Output

VDD

VDD

wa

Output

Inputs

logic
block

N

logic
block

N

Inputs

Figure 12.21 CVSL block diagram.

As another example, Fig. 12.23a shows the implementation of a CVSL two-input
XOR/XNOR gate, while Fig. 12.23b shows a CVSL three-input XOR/XNOR gate useful

in adder design.
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VDD VDD

Z=4+BC wa Z=A4+BC

s -
c| i EH‘; ¢

Figure 12.22 CVSL logic gate.

Differential Split-Level Logic

Differential split-level logic (DSL logic) is a scheme wherein the load is used to reduce
output voltage swing and thus lower gate delays (at the cost of smaller noise margins).
The basic idea is shown in Fig. 12.24. The reference voltage ¥, on the gates of M1 and
M2 is set to ¥DD/2 + V.. The sources of M1 and M2 are then at a maximum voltage of
VDD/2. This has the effect of limiting the output voltage swing to a maximum of VDD
and a minimum of ¥VDD/2. The main drawback of this logic implementation is the
increased power dissipation resulting from the continuous power draw through the output

leg at a voltage of ¥DD/2. The output leg at ¥DD draws no DC power.
Tri-State Outputs

A final example of a static logic gate, a tri-state buffer, is shown in Fig. 12.25. When the
Enable input is high, the NAND and NOR gates invert and pass A (VDD or ground) to the
gates of M1 and M2. Under these circumstances, M1 and M2 behave as an inverter. The
combination of M1 and M2 with the inversion NAND/NOR gate causes the output to be
the same polarity as 4. When Enable is low, the gate of M1 is held at ground and the gate
of M2 is held at ¥DD. This turns both M1 and M2 off. Under these circumstances, the
output is said to be in the high-impedance or Hi-Z state. This circuit is preferable to the
inverter circuits of Fig. 11.27 because only one switch is in series with the output to VDD
or ground. An inverting buffer configuration is shown in Fig. 12.26.

Additional Examples

Additional delay calculations using static logic gates (and other CMOS circuit building
blocks) can be found in Sec. 13.4.
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QED YDD
A® B (XOR) b><qa7 A® B (XNOR)

AL
SO

(@

ol

VDD

A®B® C (XOR) P><q A®B® C (XNOR)

u[ﬁg% 41

OI

c{% E

Figure 12.23 (a) Two-input and (b) three-input XOR/XNOR gates.
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VDD VDD
Output Output
M2 || . Vyer= VDDI2 + Vi
M1
N N .
Inputs o | logic logic | e Inputs
L block block | _®
Figure 12.24 DSL block diagram.
VDD
4 )@—({ M2
Out
Enable DO D—‘
Ml

A ' Out

Logic symbol

Figure 12.25 Tri-state buffer.
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VDD

Do

Enable —\ Logic symbol

Out

A Out

Figure 12.26 Tri-state inverting buffer.
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PROBLEMS

Use the 50 nm, short-channel process unless otherwise indicated.

12.1 Design, lay out, and simulate the operation of a CMOS AND gate with a Vg, of
approximately 500 mV. Use the standard-cell frame discussed in Ch. 4 for the
layout.

12.2 Design and simulate the operation of a CMOS AOI half adder circuit using static
logic gates.

12.3 Repeat Ex. 12.3 for a three-input NOR gate. (Use the effective resistances to

estimate the V,.)
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12.5

12.6

12.7

12.8

12.9
12.10

Repeat Ex. 12.4 for a three-input NOR gate. (Use the effective resistances to
estimate the V,.)

Sketch the schematic of an OR gate with 20 inputs. Comment on your design.

Sketch the schematic of a static logic gate that implements (A+B-E') -D.

Estimate the worst-case delay through the gate when driving a 50 fF load
capacitance.

Design and simulate the operation of a CSVL OR gate made with minimum-size
devices.

Design and simulate the operation of a tri-state buffer that has propagation delays
under 5 ns when driving a 1 pF load. Assume that the maximum input capacitance
of the buffer is 100 fF.

Sketch the schematic of a three-input XOR gate implemented in AOI logic.

The circuit shown in Fig. 12.27 is an edge detector. Discuss, and simulate, the
operation of the circuit.

Figure 12.27 An edge detector circuit.
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Clocked Circuits

The transmission gate (TG) is used in digital CMOS circuit design to pass or not pass a
signal, see Sec. 10.2.1. The schematic and logic symbol of the transmission gate (TG) are
shown in Fig. 13.1. The gate is made up of the parallel connection of an NMOS and a
PMOS device. Referring to the figure when S (for select) is high, we observe that the
transmission gate passes the signal on the input to the output (noting the nodes we define
as the input or output are interchangeable). The resistance between the input and the
output can be estimated as R [[R,. We begin this chapter with a description of the CMOS
TG.

5 S
Q.
I Out
z " In Out
-
i S .
Schematic s Logic symbol

Figure 13.1 The transmission gate.

13.1 The CMOS TG

Since the NMOS pass gate (PG) passes logic lows well and the PMOS PG passes logic
highs well, putting the two complementary MOSFETSs in parallel, as seen in Fig. 13.1,
produces a TG that passes both logic levels well. The propagation delay-times of the
CMOS TG in the configuration seen in Fig. 13.2 (with a large load capacitance) are
estimated as

tear = tpo = 0.7 - (RalIR,) - Cloaa 3.1

The capacitance on the S input of the TG is the input capacitance of the NMOS device, or
C,, (= 1.5C, ). The capacitance on the S input of the TG is the input capacitance of the

inn oxn.

PMOS device, or C, .
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Enable TG DO

In

Out
Cload

5]%

oL
Figure 13.2 The transmission gate with control signals shown.

Increasing the widths of the MOSFETs used in the TG reduces the propagation
delay-times from the input to the output of the TG when driving a specific load
capacitance. However, the delay-times in turning the TG on, the select lines going high,
increase because of the increase in input capacitance. This should be remembered when
simulating. Using a voltage source in SPICE for the select lines, which can supply infinite
current to charge the input capacitance of the TG, gives the designer a false sense that the
delay through the TG is limited by R, and R, . Often, when simulating logic of any kind,
the SPICE-generated control signals are sent through a chain of inverters so that the
control signals more closely match what will actually control the logic on die (and the
control signals have a finite source driving resistance).

Example 13.1
Estimate and simulate the delays through the TG circuit shown in Fig. 13.3 using
the short-channel CMOS process and a load capacitance of 50 fF.

v . —out

Gl =
YDD 20/1 / -

o—I 1 Out -

" L—TIO/I _lL P S— /\

50 fF /

VDD

0.00 0.20 0.40 0.60 0.80 1.00
tine nS

Out
Figure 13.3 TG circuit discussed in Ex. 13.1.

From Table 10.2 R |[R, = 1.7 kQ2 so that using Eq. (13.1) we get #,,, = £,,;, = 60 ps.
The SPICE simulation results are also seen in Fig. 13.3. R

Example 13.2
Repeat Ex. 13.1 for the circuit seen in Fig. 13.4

The output load is initially at ¥DD and then discharged to ground when the TG
turns on. The delay time calculation is exactly the same as the one used in Ex.
13.1. Also seen in the figure are the simulation results. ®
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VDD In 1.0
e T \

b, o

In 0/1 Out 3 \‘Q
!

50 fF 0.2
O_J—— 0.0

0.00 0.20 0.40 0.60 0.80 1.00

Initially at tine »s
VDD. Out

Figure 13.4 TG circuit discussed in Ex. 13.2.

Series Connection of TGs

Consider the series connection of the CMOS transmission gates shown in Fig. 13.5. The
equivalent digital model is also depicted in this figure. As seen in Figs. 10.17, 10.21, and
the associated discussion, the capacitance on each MOSFET’s source/drain (assuming
triode operation) is C,/2. The total capacitance on each internal node in a series
connection of TGs is then the sum of the oxide capacitances from each adjacent PG, that
is, C,,, + C,,,. The delay through the series connection of TGs can be estimated using

ters = ter = 0.7 - N+ (RulIRp)(Cioaa) +0.35 - (RalIR,)(Coxn + Coxp)(N)?
(13.2)

The first term in this equation is simply the time needed to charge C, , through the sum
of the TG effective resistances, while the second term in the equation describes the RC
transmission line effects.

Al A3 AN
Input _(g_ _& . o o _$- Output
_[_ —I_ _[_ —I_ Cload
<
Al A2 A3 AN

b3l

RalIR, R,IIR, R,IIR, R,IIR,

=, —TT

(Coxn + Cosp)

Figure 13.5 Series connection of TGs with digital model.
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S

Figure 13.6 Path selector.

13.2 Applications of the Transmission Gate
In this section we present some of the applications of the TG.

Path Selector

The circuit shown in Fig. 13.6 is a two-input path selector. Logically, the output of the
circuit can be written as

Z=AS+BS (13.3)

When the selector signal S is high, 4 is passed to the output while a low on S passes B to
the output.

Control/selector Control/selector
lines lines
I Lo
— = .
- MUX Out In DEMUX | o s
5 . < 3
S — =

Figure 13.7 Block diagram of MUX/DEMUX.

This same idea can be used to implement multiplexers/demultiplexers
(MUX/DEMUX). Consider the block diagrams of a MUX and DEMUX shown in Fig.
13.7. The number of control lines is related to the number of input lines by
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2m=n (13.4)

where » is the number of inputs (outputs) to the MUX (DEMUX) and m is the number of
control lines. A 4-to-1 MUX/DEMUX is shown in Fig. 13.8. Note that the MUX is
bi-directional; that is, it can be used as a MUX or a DEMUX. The logic equation
describing the operation of the MUX is given by

Z=A(S1-82)+B(S1-852)+ C(S1 - §2) + D(S1 - 52) (13.5)

Figure 13.9 shows the transistor-level implementation of the circuit in Fig. 13.8. Notice
how the PMOS are grouped together (and laid out in the same n-well) while the NMOS
are grouped together.

ST S st 82 2 282

. |
E-Q
B £
T

I

> oL
T

Figure 13.8 Circuit implementation of a 4-to-1 MUX.

n
£
o
£

Figure 13.10a shows an NMOS PG implementation of the 4-to-1 MUX. The pass
transistor implementation is simpler, using fewer transistors, at the price of a threshold
voltage drop from input to output when the input is a high (VDD). A simplified version of
the circuit of Fig. 13.10a is shown in Fig. 13.10b. Here the MOSFETSs connected to S2
and S2 are combined to reduce the total number of MOSFETs used. The reduction of the
total number of MOSFETs used can be extended to an n-input (output) MUX (DEMUX)
(see Fig. 16.43). Again, it should be remembered that a DEMUX can be formed using the
circuits of Figs. 13.8 or 13.10 by switching the inputs with the outputs.

Static Gates

The TG can be used to form static logic gates. Consider the OR gate shown in Fig. 13.11.
To understand the operation of the gate, consider the case when both 4 and B are low.
Under these circumstances the pass transistor, M1 is off, and the TG is on. Since the input
B is low, a low is passed to the output. If 4 is high, M1 is on and 4 is passed to the
output. If B is high and 4 is low, B is passed to the output through the TG. If both 4 and B
are high, the TG is off and M1 is on passing 4, a high, to the output.
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s1 ST S2 2
D O
1 inme
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F"L TTL 1
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1
c 1T
1 1
B T s
4 1 1

Figure 13.9 Transistor implementation of Fig. 13.8.

Figure 13.12 shows an XOR and an XNOR gate made using TGs. Consider the
XOR gate with both 4 and B low. Under these circumstances, the top TG is on and its
output is connected to 4, a low. If both inputs are high, the bottom TG connects the
output to A, again a low. If 4 is high and B is low, the top TG is on and the output is
connected to 4, a high. Similarly, if 4 is low and B is high, the bottom TG is on and
connects the output to 4, a high.

13.3 Latches and Flip-Flops

Basic Latches

Consider the set-reset latch (SR latch) shown in Fig. 13.13 made using NAND gates. The
logic symbol and truth table are also shown in this figure. Consider the case when S is
high and R is low. Forcing R low causes Q to go high. Since S is high and Qis high, the 0
output is low. Now consider the case when both S and R are low. Under these
circumstances, the latch’s outputs are both high. This latch can easily be designed and
laid out with the techniques of Ch. 12 (see also Fig. 15.6).

An alternative implementation of the SR latch is shown in Fig. 13.14 using NOR
gates. Consider the case when § is high and R is low. For the NOR gate, a high input
forces the output of the gate low. Therefore, the O output is low whenever the $ input is
high. Similarly, whenever the R input is high, the O output must be low. The case of both
inputs being high causes both Q and 0 to go low, or in other words the outputs of the
latch are no longer complements.
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Figure 13.10 MUX/DEMUX using pass transistors.
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Figure 13.11 TG-based OR gate.
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B B
A A
— ADB ADB
B
4 4
XOR 1 XNOR
B B
Figure 13.12 TG implementation of XOR/XNOR gate.
Truth table
§ — —
Q SROQ
0011
1010
0101
1100
0 00
R
Figure 13.13 Set-reset latch made using NAND gates.
Truth table
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I} SRQ g
00QQ
1010
0101
1100
Q
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Figure 13.14 Set-reset latch made using NOR gates.
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An Arbiter

One of the uses of the NAND latch is in an arbitration circuit (called an arbiter, Fig.
13.15). This circuit can be very useful in asynchronous circuit design or in clock
synchronization circuits (see Ch. 19). To understand the operation of the arbiter in Fig.
13.15, let’s consider the case when both Inl and In2 are low. Both NAND gates’ outputs
are high and the two inverters’ outputs, that is Outl and Out2, are low. When Inl goes
high, the output of X1 goes low, while the output of X2 remains high. This causes Outl
to go high and Out2 to remain low. Notice that with the output of X1 going low the
power supplied to the PMOS in the inverter connected to Out2 is removed (making it
impossible for Out2 to go high). When In2 goes high, while Inl is already high, the fact
that the output of X1 is a low keeps the output of X2 high and Out2 low. When Inl goes
low, with In2 high, Outl goes low and Out2 goes high. The usefulness of this circuit
occurs when Inl and In2 transition high at nearly the same times. The way the inverters
are powered by the NAND gates makes it impossible for both Outl and Out2 to go high
at the same time. Thus an arbiter is useful for determining which input arrives first.

Inl_ Outl
X1 ' Only one output can

be high at a time. The
output that goes high is
determined by which
input goes high first.

Out2

Figure 13.15 An arbiter made using NAND gates.

To ensure that the arbiter makes the decision quickly (there isn’t a long delay or
metastability when the two inputs are arriving at the same time), two inverters can be
added in series with the NAND gate outputs. This addition of inverters simply increases
the gain of the NAND gates (their VTCs get steeper at the switching point, see Fig. 12.3
in the last chapter).

Flip-Flops and Flow-through Latches

A flow-through latch is a storage circuit whose output changes with a clock signal level
(so a flow-through latch is often called a level-sensitive latch). A flip-flop (FF) is a
storage circuit that changes states on the rising or falling edge of a clock signal.

Most FFs in CMOS IC design are based on the cross-coupled inverters seen in
Fig. 13.16. Also seen in this figure are the VTCs for the two inverters. I1’s characteristics
are drawn with its input on the x-axis and its output on the y-axis (the normal curves as
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A
Out, V
The butterfly curve

. ﬁ'o Que /
11's characteristics /

12's characteristics

Vsp

In, V

Figure 13.16 A cross-coupled inverter (a latch) and the input output characteristics.

seen in Fig. 11.2 back in Ch. 11). I12’s input is labeled Out in the figure while its output is
labeled In (and so its input is drawn as the y-axis and its output is drawn as the x-axis).
The big concern when designing a FF with cross-coupled inverters is metastability
(meaning changing stability). When the input signal moves to the switching-point of the
inverters, both In and Out will be at V, (a stable state). This isn’t where we want the
circuit to operate because ¥, isn’t a valid logic level voltage. Driving the input higher or
lower enables the positive feedback present in the cross-coupled inverters to drive the
In/Out nodes to valid logic levels (the other stable states). To avoid metastability, we can
1) use longer length inverters (which increases the gains of the inverters at the cost of
longer delays), 2) use two inverters in series with the outputs of each inverter in Fig.
13.16 (again, to boost the gain) so that three inverters are used between In and Out, 3)
ensure the In signal is driven with good logic levels (and a low impedance source to
overdrive the output of 12), or 4) add a switch on the output of 12 to disconnect it when
the In signal is changing to ensure that the input signal doesn’t have to “fight” with the
output of 12 to drive the signal to a valid logic level (the input signal range must still
swing to valid logic levels). Figure 13.17 shows how metastability can result in a long
delay before the outputs move to valid logic states. In this simulation the two capacitors
are charged to 500 mV. It takes approximately 2.5 ns for the In/Out signals to change
states.

v — out —in

In Out o
50f 50f o0 : \

g —V'r B :

Tnitially at 500 mV (=VDD/2) R T T u\s o

tine ns

Figure 13.17 The delay associated with metastability.
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Note that trying to move the switching point voltages of each inverter to differing
levels makes the problem of metastability worse. When each inverter’s ¥V, is the same the
gain around the loop is the highest (and so it’s possible noise alone can cause the
inverters to snap to a valid logic state).

Figure 13.18 shows a level-sensitive latch. When the clock signal is high, the data
or D input passes through the NMOS PG and drives the cross-coupled inverters. The
feedback inverter’s lengths are made long to ensure that the source driving the D input
can “overpower” the feedback inverter and allow the output to switch states. This circuit,
while simple, has several fundamental issues. To begin, we know that an NMOS pass
gate’s output will swing from 0 to VDD — Vyyy. To optimize the noise margins, we lower
the ¥, of I1. Here we reduce the width of the PMOS from 20 to 10. Another concern is
the contention current that flows when the D input is fighting with the output of 12 for
control of I1’s input. By increasing the lengths in 12 to 10, we lower this wasted current.

Inverter using long lengths
/ PMOS 10/10
NMOS 10/10

D &l(@c-GDCQ
T 10/1

0
clock

Figure 13.18 A level-sensitive latch.

Figure 13.19 shows the input and output simulation results for the latch in Fig.
13.18. When the clock signal is high, the input flows to the output (with a delay). When
the clock signal goes low, the value on the D input is captured and remains on the Q
output until the clock signal goes back high again. Notice that at 8 ns, when the clock
signal goes high, the delay between the D input going high and the Q output going high is
considerable.

. R S i Q output
2.0 Hws
i D input
10— -
l i Clock
0.0 1
0.0 2.0 4.0 6.0 8.0 10.0

tine nS

Figure 13.19  Simulating the level-sensitive latch in Fig. 13.18.
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clock

) Q

clock
clock 0O
o— } o—+—=2

Tl
T
clock

Figure 13.20 A higher performance level-sensitive latch.

Figure 13.20 shows a modification of the latch in Fig. 13.18. A TG is used on the
input of the latch instead of a PG. This improves the noise performance of the circuit (at
the cost of an additional clock signal, that is, the complement of clock). We’ve also added
a TG in series with the feedback inverter. When T1 is on, the Q output follows the D
input. When T1 is on, T2 is off so that the input doesn’t have to fight with the feedback
inverter. When T1 turns off, T2 turns on and the value of D at that instance is stored in
the inverters. Figure 13.21 shows the simulation results using this latch with the input
signals used to generate Fig. 13.19. Notice, for example, the improvement in performance
over what’s seen in Fig. 13.19 when the clock transitions high at 8 ns.

A P N T O — Q output

Figure 13.21 Simulating the level-sensitive latch in Fig. 13.20.

An Edge-Triggered D-FF

Notice that the value of the D input in the circuit seen in Fig. 13.20 is stored or captured
when clock goes low. To implement an edge-triggered FF, we can use two of these level-
sensitive latches in cascade. When the clock is low, the first stage tracks the D input and
the second stage holds the previous output. When clock goes high, the first stage captures
the input and transfers it to the second stage. The first stage is often called the “master”
latch, while the second stage is the “slave” latch. Figure 13.22 shows an implementation
of an edge-triggered D-FF. When clock is low, T1 and T4 are on. T2 and T3 are off. The
D input flows through to point A and its complement to point B. When clock goes high,
T1 and T4 shut off while T2 and T3 turn on. This causes the value of the D input, when
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Master Slave

Figure 13.22 An edge-triggered D-FF.

clock transitioned high, to be captured and passed to the Q output. When clock goes back
low, T1 and T4 turn on. The value of D on the Q output is then circulated around the two
inverters. The Q output can change states again when clock goes back high. Figure 13.23
shows results of simulating this FF with SPICE. Note the output only changes on the
rising edge of the clock signal.

tine nS

Figure 13.23 Simulating the operation of the edge-triggered FF in Fig. 13.22.

Figure 13.24 shows the addition of NAND gates to the circuit of Fig. 13.22 for
clear and set inputs. When clear goes low, the outputs of N1 and N4 go high. If T3 is on
or T4 is on, the outputs of the FF are forced to Q =0 (and thus its complement is set to a
1). If the set input goes low, then Q is forced to a 1. If both clear and set are pulled low,
then both the Q output and its complement are driven high. This feature can useful in
some situations.

Note that it is very important for the clock signals we use to have quick rise
times. If they don’t, then the FF may not function correctly. Often the clock signals are
applied to a string of inverters both to sharpen their transition times and to generate the
complement clock required for the TGs.
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clock

T1
o 3
T

clock

y

— set
clear

Figure 13.24 An edge-triggered FF with asynchrounous set and clear.

Flip-Flop Timing

The data must be set up or present on the D input of the FF (see Fig. 13.22) a certain time
before we apply the clock signal. This time is defined as the setup time of the FF. To
understand the origin of this time, consider the time it takes the signal at D to propagate
through T1 and the inverter to node B. Before the clock pulse can be applied, the logic
level D must be settled on node B. Consider the waveforms of Fig. 13.25. The time
between D going high (or low) and the clock rising edge is termed the setup time of the
FF and is labeled, ¢.

VoltsA . .
D input (high)

&) Clock input (CLK)
D input (low)

Figure 13.25 Illustrating D FF setup time.

\J

time

The wanted D input must be applied ¢, before the clock pulse is applied. Now the
question becomes “How long does the wanted D input have to remain applied to, or held
on, the input of the FF after the clock pulse is applied?” This time is called the hold time,
t,, and is illustrated in Fig. 13.26. Shown in this figure, ¢, is a positive number. However,
inspection of Fig. 13.22 shows that if the D input is removed slightly before the clock
pulse is applied, node B will remain unchanged because of the propagation delay from the
D input to node B. Analysis of this FF would yield a negative hold time. In other words,
for the point B to charge to D, a time labeled ¢, is needed. Once point B is charged, the D
input can be changed as long as the clock signal occurs within #,.
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voltst Clock input (CLK)

&
XL) (L—) :> D inputs either a high or low

N,
>

time
Figure 13.26 Illustrating D FF hold time.

One final important comment regarding the clock input of an FF is (again) in
order. If the clock input risetime is slow, the FF will not function properly. There will not
be an abrupt transition between the sets of transmission gates turning on and off. The
result will be logic levels at indeterminate states. What is usually done to eliminate this
problem is to buffer the clock input through several inverters. This has the effect of
speeding up the leading and trailing edges of a slow input pulse and presenting a lower
input capacitance on the clock input to whatever is driving the FF. The main disadvantage
is the increase in delay times, f,,, and t,,,, (defined by clock to output), of the FF. In
general, the FF of Fig 13.22 should not be laid out without buffering the clock inputs.

The minimum pulse width of the clock, set, or clear inputs in Figs. 13.22 and
13.24 is labeled ¢,. The minimum width is determined by the delay through (referring to
Fig. 13.20) two NAND gates and a TG. The last timing definition we will comment on
here is the recovery time, that is, the time between removing the set or clear inputs and a
valid clock input. This variable is labeled ¢, .

13.4 Examples

In this section we give examples of delay calculations and comments on how to decrease
the delays and the associated performance costs. Throughout this section we use the 50
nm short-channel process.

Example 13.3
Estimate the input capacitance and the delay through the circuit seen in Fig. 13.27.
Compare the hand calculation estimates to simulation results.

Using the information seen in Table 10.2, we can calculate the first inverter’s
input capacitance, and thus the input capacitance of the circuit,

Cin =3+ (Comn + Cout) = 0.938 fF +1.875 fF = 2.81 fF
Since the widths of the second inverter are 10 times larger than the widths of the
first inverter, the input capacitance of the second inverter is 28.1 fF.

The delay through the first inverter, that is, the delay from the node labeled
“In” to the node labeled “N1” in Fig. 13.27 is calculated as

tpaL +tpog = 0.7 - (34k+ 34]() . (0625 +1.25+9.38+ 1875)_fF= 143 ps

noting, because t,,, =t,,,,, that tpa1 = tprm =71.5 ps.

IPR2023-00698
Theta EX2019



390 CMOS Circuit Design, Layout, and Simulation

20/10 200/100
In DO N1 {>o Out
L

50 fF
g (a) Schematic

VDD

VDD
20/1 200/1
In N1 Out
R
L{ 10/1 L‘ 100/1 $501F
(b) Transistor-level schematic of (a)

VDD VDD VDD

T18.75f 340 T 1258 Out

_L9.38f 340 l 6256 Lo
T T 4

Second inverter

VDD VDD VDD

I I1.25f

A
In 1.875f 3kT N1

0.938f 3.4k .I. 0.625f

L

First inverter

(c) Digital model equivalent of (a) and (b)

Figure 13.27 Circuit used in Ex. 13.3.

The delay through the second stage, that is, from N1 to the output is calculated
as

tprrs + tprme = 0.7 - (340 + 340) - 68.75 fF = 33 ps

Again as seen in the first inverter, the effective switching resistance of the PMOS
is equal to the NMOS device’s effective resistance so ?pyr2 = tpim = 16.5 ps.

The overall delay through both inverters is
tpyL = tpy =88 ps

Figure 13.28 shows the SPICE simulation results. The delays, from the
simulations, are approximately 120 ps.

To decrease the delay through the circuit, the simplest solution is to increase
the widths of the first inverter. Of course, this increases the circuit’s input
capacitance. Note that the analysis of this circuit has nothing to do with the design
equations used for implementing a buffer, Sec. 11.4. R
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1.0 tPHL

0.0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6
tinm ns

Figure 13.28 Simulating the circuit in Ex. 13.3 and Fig. 13.27.

Example 13.4
In Ex. 13.3 the devices were sized to give (ideally) equal propagation delays.
Repeat Ex. 13.3 for the circuit seen in Fig. 13.29.

10/10 10/100
In {>c N1 DO Out
L

50 fF
l (a) Schematic

t
L
100/1 g 50 fF
(b) Transistor-level schematic of (a)

VDD vDD VDD

T o.938f 6.8k T0'625f0ut

In 0938r 08K T ;
0.938f <34k J_ 1 L9.38f l L 5ot
: g 0.625f | 340 Lgosf g

& L

First inverter Second inverter
(c) Digital model equivalent of (a) and (b)

Figure 13.29 Circuit used in Ex. 13.4.
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The PMOS device has a width of 10 which is half of the width used for the data in
Table 10.2. We can write the effective switching resistance and oxide capacitance
for this device as

R, = 6.8k and C,yp = 0.625 fF
As seen in Fig. 13.29, the input capacitance of the circuit is 1.876 fF.

Calculating ¢, begins by noting that when the input goes high the NMOS
device in the first inverter turns on. This turns the PMOS device in the second
inverter on. The overall delay is calculated as

First inverter’s delay Second inverter’s delay
trn= 0.7-34k-11.57/F + 0.7-6.8k-56.88 fF =300 ps

Similarly, when the input goes low, the PMOS in the first inverter turns on and
the NMOS in the second inverter turns on, pulling the output low

First inverter’s delay Second inverter’s delay
A

tpu= 0.7-6.8k-11.57fF + 0.7-340-56.88 fF ~70ps

The simulation results are seen in Fig. 13.30. B

v —in —out

1.5 : yreeenes

o) i : : i
N — N " ‘\K

tpLH
L~ {PHL

time S

Figure 13.30 Simulating the operation of the circuit in Fig. 13.29.

Example 13.5
Estimate the delay through the circuit seen in Fig. 13.31 using 20/1 PMOS and
10/1 NMOS devices.

Since the load capacitance, 50 fF, is much larger than the output capacitance of
the NAND gate, we don’t include the NAND gate’s capacitance contributions in
the digital model seen in Fig. 13.31c. When the input goes high, the NMOS
device in the inverter turns on and the PMOS device in the NAND gate turns on
(causing the output to go high). The low-to-high delay time is calculated as

tpr=0.7-3.4k-4.7f+0.7-3.4k- 50f= 130 ps

The high-to-low delay time is calculated, noting the two NMOS in series when
pulling the output low, as

tp =0.7-3.4k-4.7f+ 0.7 - 6.8k - 50f =250 ps
Figure 13.32 shows the simulation results. B
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(c) Digital model equivalent of (a) and (b)

Figure 13.31 Circuit used in Ex. 13.5.

vV ——in ——out

Figure 13.32 Simulating the circuit in Fig. 13.31.
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Example 13.6

The circuit seen in Fig. 13.33 is the input portion of the edge triggered D-FF seen
in Fig. 13.22. Estimate the delay from the D input to points A and B. Compare the
estimate to SPICE simulations. Note that this delay is important because it directly
determines the setup time of the FF.

VDD

T I()ff

$ Off

Figure 13.33 Section of a D-FF used in Ex. 13.5.

Node A in Fig. 13.33 is driven through the on TG. The resistance of the TG is
R,IR, . The capacitance on node A is
Capacitance from the on TG Input capacitance of the inverter
——r—— —_—
C
Co= Com Zow 3 iChp) =3T5/F
2 2 2

The first term is the capacitance on node A due to the on TG (see Fig. 10.7). The
second term is the input capacitance of the inverter. Note that we have not
included the capacitive loading from the off TG. This causes the actual delays to
be longer than what we calculate here. (A good exercise at this point is to estimate
the capacitive loading of the TGs and include them in the calculations here.) The
capacitance on node B is made up of an inverter input capacitance and an inverter
output capacitance or

Inverter output capacitance
———t—

Cs= % (Com+Cop) + (Com+Caxp) =41fF

Inverter input capacitance
——t——

The delay from the D input to point A is estimated as

tpiha = tpara =0.7-R,lIR, - C4 =45 ps
The delay from point A to point B through the inverter is

tergs +tpae = 0.7 - (Rp+R,)- Cp=22.5 ps
The propagation delay from D to B is then
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tprg =tpgr = 15.75 s

The simulation results are seen in Fig. 13.34. The delay to point A is
approximately 30 ps, while the delay to point B is about 90 ps. It’s important to
reiterate the importance of simulations when determining delays. Hand
calculations, as this example shows, have limitations. Hand calculations are still
important, however, because they reveal the location of the dominant delays in a

395

digital circuit. B

¥ —a+1.25 —b#2.5
—d

30 Point B

Point A

D input

0.40 0.50 0.60 0.70 0.8 0.90 1.00
tine S

Figure 13.34 Simulating the delays through the latch seen in Fig. 13.33.
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PROBLEMS

Unless otherwise stated, use the 50 nm, short-channel CMOS process with the parameters
seen in Table 10.2.

13.1

13.2
13.3

134
13.5

13.6

Estimate and simulate the delay through 10 TGs connected a SO fF load
capacitance.

Design and simulate the operation of a half adder circuit using TGs.

Sketch the schematic of an 8-to-1 DEMUX using NMOS PGs. Estimate the delay
through the DEMUX when the output is connected to a 50 fF load capacitance.

Verify, using SPICE, that the circuit seen in Fig. 13.12 operates as an XOR gate.

Simulate the operation of an SR latch made with NAND gates. Show all four
possible input logic combinations.

Simulate the operation of the arbiter seen in Fig. 13.15. Show how two inputs
arriving at nearly the same time results in only one output going high.
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13.7 Show, using simulations, how making the feedback inverter, 12, in Fig. 13.18
stronger (decrease the lengths) can result in the output having either a long delay
or not fully switching.

13.8 Redesign the FF in Fig. 13.22 without T2 and T4 present. Simulate the operation
of your design. Show, by using a limited amplitude on the D input, how point B
can have a metastability problems.

13.9 In your own words describe setup and hold times. Use the D-FF in Fig. 13.22 and
simulations to help support your clear descriptions.
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Dynamic Logic Gates

Dynamic or clocked logic gates are used to decrease complexity, increase speed, and
lower power dissipation. The basic idea behind dynamic logic is to use the capacitive
input of the MOSFET to store a charge and thus remember a logic level for use later.
Before we start looking into the design of dynamic logic gates, let’s discuss leakage
current and the design of clock circuits.

14.1 Fundamentals of Dynamic Logic

Consider the NMOS pass gate (PG) driving an inverter, as shown in Fig. 14.1. If we clock
the gate of the PG high, the logic level on the input, point A, will be passed to the input of
the inverter, point B. If this logic level is a “0,” the input of the inverter will be forced to
ground, while a logic “1” will force the input of the inverter to VDD — V,, . When the
clock signal goes low, the PG shuts off and the input to the inverter “remembers” the
logic level. In other words, when the PG turns on, the input capacitance of the inverter is
either charged to VDD — V7, or discharged to ground through the PG. As long as this
charge is present on the parasitic input capacitance of the inverter, the logic value is
remembered. What we are concerned with at this point are the leakage mechanisms which
can leak the stored charge off the node. A node, such as the one labeled B in Fig. 14.1, is
called a dynamic node or a storage node. Note that this node is a high-impedance node
and is easily susceptible to noise (see Ex. 3.5).

Storage node

Input —- Yy
LA

Input capacitance of the inverter

Figure 14.1 Example of a dynamic circuit and associated storage capacitance.
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14.1.1 Charge Leakage

One of the important concerns with designing dynamic circuits is the MOSFET’s off
current, see Sec. 6.4.2. In Fig. 14.2 we show the simulated drain current of a 10/1
MOSFET in the 50 nm process plotted against gate-source voltage. The off current, with
Vs =0, is taken from the plot as

loglp =845 — Ip=3.55 nd =I5 W-scale (14.1)

noting that the worst case off current occurs when the minimum channel length is used (L
= 1). The off current can be estimated as

Lyy="1.1 ndlym (14.2)

The off current is made up of leakage through the source/drain implant to substrate (the
formed diode and the associated saturation currents), leakage around the edges of the poly
at the edge of the field oxide, and by the source-to-drain leakage currents.

« loglp — log(ID) In

-2.0

-6.0 ; ; H —+
i i Vas
-8.0 / el 7 VGS -

10/1

Figure 14.2 Drain current of an NMOS device plotted from weak to
strong inversion. See Fig. 6.16. PMOS netlist is found
at cmosedu.com.

The rate at which the storage node seen in Fig. 14.1 discharges is given by

dv _ Ly W-scale

dt Cnode
The node capacitance, C, ,, , is the sum of the input capacitance of the inverter, the
capacitance to ground of the metal or poly line connecting the inverter to the pass
transistor, and the capacitance of the drain implant to substrate (the depletion

capacitance). For practical applications, we assume that

Crode = Cin of the inverter (14.9)

(14.3)

Example 14.1
Estimate the discharge rate of the 50 fF capacitor shown Fig. 14.3.

Using Eqgs. (14.1) and (14.3), we can write the capacitor’s discharge rate as

v _3.55n4 _ 91 s

da  S0fF
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10/1 Lieakage Initally charge to 1 V
< lf i e

Figure 14.3 Circuit used in Ex. 14.1.

For the capacitor to discharge to ground (from an initial voltage of 1 V) takes,
roughly, (1 V)/(71 m¥V/ps) = 14 ps. Figure 14.4 shows the simulation results. Note
how the time it takes the output voltage to discharge to ground is twice as long as
what we calculated or roughly 30 ps. This is due to the fact that as the voltage
between the drain and source of the MOSFET decreases so does the off current.
The reduction in the off current causes the capacitor to discharge slower. To keep
the voltage across the capacitor from discharging too much we might try holding
one side of the MOSFET switch at ¥DD/2. Consider the following. B

1000.0

000.0

o
3

400.0

200.0

Capacitor voltage

o
o

Figure 14.4 Time it takes the capacitor to discharge due to the off current of the
MOSFET in Fig. 14.3.

Example 14.2
Repeat Ex. 14.1 with the input tied to ¥DD/2 instead of ground.

The schematic and simulation results are seen in Fig. 14.5. The leakage current is
minimized by lowering the ¥, of the MOSFET. This is a common technique to

v — vout

VDD/2 10/1 Ileakage > g 600.0

A7

(=]

]
Capacitor

0
0.0 10.0 20.0 30.0 40.0

Figure 14.5 Circuit used in Ex. 14.2.
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reduce leakage currents in DRAM (see Fig. 16.7 where the bitlines are
equilibrated to VDD/2). Note that when the voltage across the capacitor (the
storage node) is zero and the PG is off the leakage through the MOSFET causes
the storage node to charge upwards (see Problem 14.2). B

Example 14.3
Figure 14.6 shows a dynamic level-sensitive latch. Estimate the maximum time
PG can be off before data is lost on the charge storage node. Compare the estimate

to SPICE. Use the 50 nm process with 20/1 PMOS devices and 10/1 NMOS
devices.

Stora&n(‘)de
— o >o—

T

clock

Ol

Figure 14.6 A dynamic level-sensitive latch.

The input capacitance of the inverter, using Table 10.2, is estimated as
Cin= % (1.25+0.625) fF = 2.8 fF

Using Eq. (14.3), we can estimate the rate the storage node decays as

dv _3.55n4
di ~ 28fF

If we want, at most, 100 mV of droop in the storage node’s voltage, then we
would want to ensure that the PG is clocked, at the minimum, every 100 ns.
Figure 14.7 shows the simulation results. Compared to our hand calculations, the
discharge rate is considerably faster. This is due to our calculation of the input
capacitance. The values used for C, were the switching input capacitance (see
Figs. 10.2, 10.7, and 10.8), not the static input capacitance (see Fig. 6.4). &

=127 Vips

Storage node, V

Figure 14.7 How the voltage on the storage node varies in the dynamic
latch circuit seen in Fig. 14.6.
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14.1.2 Simulating Dynamic Circuits

Because of the extremely small leakage currents involved, simulating dynamic circuits
can be challenging. To begin, when SPICE simulates any circuit, it puts a resistor with a
conductance value given by the parameter GMIN across every pn junction and MOSFET
drain-to-source. The default value of GMIN is 107" mhos or a 1 TQ resistor. A charge
storage node at a potential of 1 V has a leakage current, due to GMIN, of 1 pA. The value
of GMIN can be set, and increased, using the .OPTIONS command, at the cost of a longer
or more difficult convergence time, to a smaller value, say 10™°. Some SPICE simulators
are also capable of adding a resistor at every node to ground called RSHUNT (to help
with convergence). If RSHUNT is 10° and a node voltage is 1 V, then a current of 1 nA
flows through the added RSHUNT resistor.

In practice, we can use the default values of SPICE when simulating dynamic
circuits. The SPICE leakage paths (using the default values of GMIN and RSHUNT) have
little effect on the estimates for the discharge times of storage nodes when simulating
dynamic circuits. For example, the leakage current, for VDD = 1 V, due to the default
value of GMIN is given by

Ileakage =~ IPA =VDD .- GMIN (14,5)
and
av_lpd _ yDD.-GMIN
dt B Crmde - Cnode (146)
If C,,. = 5 fF, then dV/dt =200 = 200 p)}7/us. It takes approximately 5 ms for the voltage

on the charge storage node to drop to ground. In all practical simulations, the leakage
through a modern nanometer MOSFET is much more significant than the leakage through
GMIN.

14.1.3 Nonoverlapping Clock Generation

Consider the string of PGs/inverters shown in Fig. 14.8. This circuit is called a dynamic
shift register. When ¢, goes high, the first and third stages of the register are enabled.
Data is passed from the input to point AQ and from point Al to A2. If ¢, is low while ¢, is
high, the data cannot pass from A0 to Al and from A2 to A3. If ¢, goes low and ¢, goes
high, data is passed from AO to Al and from A2 to A3. If both ¢, and ¢, are high at the
same time, the input of the shift register and the output are connected together, which is
not desirable in a shift register application. The purpose of the inverter between PGs is to
restore logic levels, since the NMOS PG passes a high with a threshold voltage drop.
Two inverters would be used to eliminate the logic inversion between stages. The clocks
used in this dynamic circuit must be nonoverlapping, or logically

¢1-¢2=0 (14.7)

There should be a period of dead time between transitions of the clock signals, labeled A
in Fig. 14.8. The rise and fall times of the clock signals should not occur at the same time.

Since the design and layout of the dynamic shift register is straightforward, let’s
concentrate on the generation of clock signals, ¢, and ¢,. Note that a simple logic
inversion will not generate nonoverlapping clock signals. Consider the schematic of the
nonoverlapping clock generator shown in Fig. 14.9. This circuit takes a clock signal and
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[N TN TN

time

Figure 14.8 Dynamic shift register with associated nonoverlapping clock signals.

generates a two-phase nonoverlapping clock. The amount of separation is set by the delay
through the NAND gate and the two inverters on the NAND gate output. Consider the
input clock going high. This forces ¢, high and ¢, low. When the input clock goes low, ¢,
goes low. After ¢, goes low, ¢, can go high. When driving long transmission lines, like a
wire implemented using polysilicon, where the rise time of the signals can be significant,
a large number of inverters may be needed. Line drivers, a string of inverters used to
drive a large capacitance, can be used as part of the delay in the nonoverlapping clock
generation circuit.

P
e e o

Figure 14.9 Nonoverlapping clock generation circuit.

1

14.1.4 CMOS TG in Dynamic Circuits

The CMOS TG used as a switch to charge or discharge the node capacitance of the charge
storage node is shown in Fig. 14.10. Because understanding the charging and discharging
of the input capacitance of the inverter follows many of the same analysis and discussions
of Ch. 13, we concentrate here on the charge leakage from the TG.
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Charge storage node

é /
In_{} (Ikik;ge {>O Out

=

VD, ‘D/ Well connection

p-channel drain/well diode ————> Tieak
eakage

n-channel drain/subs diode ———> Input C of inverter
Substrate connection l

Figure 14.10 CMOS TG used in dynamic logic.

The leakage of charge off of or onto the input capacitance of the inverter in Fig.
14.10 can be attributed to the drain-well diode of the PMOS device and the
drain-substrate diode of the NMOS device used in the TG. If these leakage currents were
equal, then the leakage of charge off of the storage node would be zero. Notice that unlike
the NMOS PG, using a TG can result in the charge storage node leaking to VDD or
ground, depending on the size of the drain areas and the leakage currents in each device.

14.2 Clocked CMOS Logic
In this section we provide a brief overview of dynamic, or clocked, CMOS logic design.
Clocked CMOS Latch

Figure 14.11 shows the schematic of a clocked CMOS latch. When ¢, is a low, M2 and
M3 are on. The master stage simply behaves like an inverter. The D input drives, through
the enabled master stage, the node N1. During this time, both M6 and M7 are off. The
latch’s output, Q, is a charge storage node. When ¢, goes high, M2 and M3 shut off and
N1 is the charge storage node. M6 and M7 are on, and the Q output is actively driven
either high or low.

An Important Note

Notice, in Fig. 14.11, that if the node N1 starts to move away from either ¥DD or ground,
when ¢, is a high, that the slave stage can move towards its switching point. This can
cause a significant current to flow from VDD to ground in the slave stage. Another
example of where this problem can occur is seen in Fig. 14.6. If the storage node starts to
wander, the inverter’s input can move towards its switching point voltage. As seen in Fig.
11.4, again, a significant current can flow.

Note that the storage node’s voltage can wander because of the MOSFET’s off
current (Fig. 14.2), a gate tunnel current leaking into the node (Fig. 16.67), or because of
capacitive coupling from a noisy node (as discussed in Ex. 3.5). The issues of gate
tunneling current and the reduction in parasitic capacitances present challenges when
implementing dynamic logic in nanometer CMOS technologies.
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VDD VDD

¢1q Mle EC’ M6

Eﬁ—l M3 ¢1—| M7

Master Slave

Figure 14.11 A clocked CMOS latch. The clock signals can be generated with an RS latch
so that the edges occur essentially at the same moment in time.

PE Logic

This section presents precharge-evaluate logic, or PE logic. Consider the three-input
NAND gate shown in Fig. 14.12. The operation of this gate relies on a single clock input.
When ¢, is low, the output node capacitance is charged to ¥DD through MS. During the
evaluate phase, ¢, is high, M1 is on, and if A0, Al, and A2 are high, the output is pulled
low. The logic output is available only when ¢, is high. The output is a logic one when ¢,
is low. One disadvantage of PE logic is that the gate logic output is available part of the
time and not all of the time as in the static gates.

VDD
Precharge\
—q M35
Out
A0 F=A40-41-42
Al —'
o— |
L

S Evalusic MOSFET.

Figure 14.12 Precharge-evaluate three-input NAND gate.
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Several important characteristics of the PE gate should be pointed out. The input
capacitance of the PE gate is less than that of the static gate. Each input is connected to a
single MOSFET where the static gate inputs are tied to two MOSFETs. Potentially the PE
gate operates faster and dissipates less power.

The sizes of the MOSFETs used in a PE gate does not need adjusting for
symmetrical switching point voltage. The absence of complementary devices and the fact
that the output is pulled high during each half cycle makes the gate ¥, meaningless.
However, we may need to size the devices to attain a certain speed for a given load
capacitance. If the sizes of all NMOS transistors used in Fig. 14.12 are equal, then the #,,,
is approximately 4R,C, . and the ¢, ,, is R C, ., where C, . is the total capacitance on the
output node. This may include the interconnecting capacitance and the input capacitance
of the next stage. Here we have neglected both the transmission line effects through a
series connection of MOSFETs and the intrinsic switching speeds. A more complex logic
function, F = A0+ A1 - A2 + A3 - A4, implemented in PE logic is shown in Fig. 14.13.

Domino Logic

Consider the cascade of PE gates shown in Fig. 14.14. During the precharge phase of the
clock, the output of each PE gate is a logic high. This high-level output is connected to
the input of the next PE gate. Suppose that the logic out of the first PE gate during the
evaluate phase is a low. This output will turn off any MOSFETs in the second PE gate.
However, during the precharge phase, those same MOSFETs in the second PE gate will
be turned on. The delay between the clock pulse going high and the valid output of the
first gate will cause the second gates, output to glitch or show an invalid logic output. If
we can hold the output voltage of the PE gate low instead of high, we can eliminate this
race condition. Upon adding an inverter to the PE gate (Fig. 14.15), the condition for
glitch-free operation is met. The PE gate with the addition of an inverter is called Domino
logic. The name Domino comes from the fact that a gate in a series of Domino logic gates
cannot change output states until the previous gate changes states. The change in output
of the gates occurs similar to a series of falling dominoes. The inverter used in the
Domino gate has the added advantage that it can be sized to drive large capacitive loads.

VDD

C| Precharge
Out

Al—{ A34 F=A0+A1-A2+A3- 44
oL
A2~4 A4<‘

|
¢ | Evaluate

Figure 14.13 A complex PE gate.
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VDD VDD VDD
Precharge
.—J $24

b

Evaluate

Figure 14.14 Problems with a cascade of PE gates.

One problem does exist with this scheme, however. Referring to Fig. 14.15, note
that during the precharge phase, node A is charged to ¥VDD. If the NMOS logic results in
a logic high on node A during the evaluate phase, then that node is at a high impedance
with no direct path to ¥DD or ground. The result is charge leakage off of node A when
the PE output is a logic high. The circuit of Fig. 14.16a eliminates this problem. A
“keeper” PMOS device is added to help keep node A at VDD when the NMOS logic is
off. The W/L of this MOSFET is small (long length and minimum width), so that it
provides enough current to compensate for the leakage but not so much that the NMOS
logic can’t drive node A down to ground. The long-length keeper MOSFET is said to be
weak. Sometimes, to implement the keeper MOSFET, two MOSFETs are used in series,
as seen in Fig. 14.16b. Connecting a long-length MOSFET, and thus large area MOSFET,
to the inverter’s output can add unneeded load capacitance. By using a regular switch in
series with a long-length PMOS device, the loading on the output of the inverter can be
eliminated.

VDD

Output

,,,,,,,,,,,,

b1 I

Figure 14.15 Domino logic gate.
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VDD VDD

"Keeper" MOSFET bi LongL

A 10/1
PE gate b
output Domino output

(a) Adding a keeper MOSFET to make (b) Practical implementation
the domino gate appear static in operation °l)th° keeper MOSFET

Figure 14.16 Keeper MOSFET used to hold node A in Fig. 14.15
at VDD when PE gate output is high.

NP Logic (Zipper Logic)

The idea behind implementing a logic function using NP logic is shown in Fig. 14.17.
Staggering NMOS and PMOS stages eliminates the need for, and delay associated with,
the inverter used in Domino logic, making higher speed operation possible. A circuit that
can easily be implemented in NP logic is the full adder circuit of Fig. 12.20. The NMOS
section of the carry circuit is implemented in the first section of the NP logic, while the
PMOS section of the sum circuit is implemented in the PMOS section of the NP logic
gate.

VDD VDD

Precharge
r—----7T===7°—7 1
] 1
—————) 1
—  NMOS | —]
Inputs |  ogic ! Inpu
] t RS
1 ]
o —b o
Evaluate

Figure 14.17 NP logic.

Pipelining

The NP logic adder just described adds two 1-bit words with carry during each clock
cycle. Adding two 4-bit words can use pipelining, see Fig. 14.18. The bits of the word are
delayed, both on the input and output of the adder, so that all bits of the sum reach the
output of the adder at the same time. Note, however, that two new 4-bit words can be
input to the adder at the beginning of each clock cycle and that it takes four clock cycles
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Figure 14.18 A pipelined adder. The latches (clocked) behave as delay elements.

to finish the addition of the two words. If this circuit were dedicated to continually
performing the addition of two words, we could input the words at a very fast rate.
However, since performing a single addition requires four clock cycles, applications of
pipelining where two numbers are not added continuously can result in longer
delay-times.
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PROBLEMS

Unless otherwise stated, use the 50 nm, short-channel process.

14.1

Regenerate Fig. 14.2 for the PMOS device. From the results, determine the
PMOS’s [ ;.
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14.2

14.3

14.4

14.5

14.6

14.7

14.8

14.9

14.10

14.11

14.12
14.13
14.14
14.15

Repeat Ex. 14.2 if the storage node is a logic 0 (ground). Explain why the charge
storage node charges up. What would happen if the PG’s input were held at VDD
instead of VDD/2.

Comment on the usefulness of dynamic logic in our 50 nm CMOS process-based
on the results given in Ex. 14.3 with a clock frequency of 10 MHz.

Using the circuit in Fig. 14.6 and the SPICE simulation, show how the current
drawn from VDD, by the inverters, changes with time. Do you see any concerns?
If so, what?

Simulate the operation of the nonoverlapping clock generator circuit in Fig. 14.9.
Assume that the input clock signal is running at 100 MHz. Show how both ¢, and
¢, are nonoverlapping.

Simulate the operation of the clocked CMOS latch shown in Fig. 14.11.

Design and simulate the operation of a PE gate that will implement the logical
function F=ABCD +E.

If the PE gate shown in Fig. 14.13 drives a 50 fF capacitor, estimate the
worst-case /., . Use a 20/1 PMOS and a 10/1 NMOS.

Implement an XOR gate using Domino logic. Simulate the operation of the
resulting implementation.

The circuit shown in Fig. 14.19 results from the implementation of a high-speed
adder cell (1-bit). What type of logic was used to implement this circuit? Using
timing diagrams, describe the operation of the circuit.

Discuss the design of a 2-bit adder using the adder cell of Fig. 14.19 If a clock,
running at 200 MHz, is used with the 2-bit adder, how long will it take to add two
words? How long will it take if the word size is increased to 32 bits?

Sketch the implementation of an NP logic half adder cell.
Design (sketch the schematic of ) a full adder circuit using PE logic.
Simulate the operation of the circuit designed in Problem 14.10.

Show that the dynamic circuit shown in Fig. 14.20 is an edge-triggered flip-flop
[2]. Note that a single-phase clock signal is used.
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VDD

Cn+l
Sn

Figure 14.19 A high speed adder cell. See Problem 14.10.

VDD VDD VDD

Ql

Figure 14.20 A true-single phase clocked FF, see Problem 14.15.
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VLSI Layout Examples

In the past chapters we have concentrated on basic logic-gate design and layout. In this
chapter we discuss the implementation of logic functions on a chip where the size and
organization of the layouts are important. The number of MOSFETs on a chip, depending
on the application, can range from tens (an op-amp) to more than hundreds of millions (a
256 Mbit DRAM). Designs where thousands of MOSFETs or more are integrated on a
single die are termed very-large-scale-integration (VLSI) designs.

To help us understand why chip size is important, examine Fig. 15.1. The dark
dots indicate defects and thus bad chips. Figure 15.1a shows a wafer with nine full die.
The partial die around the edge of the wafer are wasted. Five of the nine die do not
contain a defect and thus can be packaged and sold. Next consider a reduction in the die
size (Fig. 15.1b). We are assuming each die, whether discussing the die of Fig. 15.1a or b,
performs the same function. This reduction can be the result of having better layout
(resulting in a smaller layout area) or fabricating the chips in a process with smaller

T ERSREE

/.\)

T T T
3
U N S

J \\__4/

(a) (®)

Figure 15.1 Defect density effects on yield.
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device dimensions (e.g., going from a 130 nm process to a 50 nm process). The total
number of die lost (see Fig. 15.1b), due to defects is five; however, the number of good
die is significantly larger than the five good die of Fig. 15.1a. The yield (number of good
die/total number of die on the wafer) is increased with smaller die size. The result is more
die/wafer available for sale. Another benefit of reducing die size comes from the
realization that processing costs per wafer are relatively constant. Increasing the number
of die on a wafer decreases the cost per die.

15.1 Chip Layout

VLSI designs can be implemented using many different techniques including gate-arrays,
standard-cells, and full-custom design. Because designs based on gate-arrays are used, in
general, where low volume and fast turnaround time are required and the chip designers
need know little to nothing' about the actual implementation of the CMOS circuits, we
will concentrate on full-custom design and design using standard cells

Regularity

An important consideration when implementing a VLSI chip design is regularity. The
layout should be an orderly arrangement of cells. Toward this goal, the first step in
designing a chip is drawing up a chip (or section of the chip) floor plan. Figure 15.2
shows a simple floor plan for an adder data-path. This floor plan can be added to the floor
plan of an overall chip, which includes output buffers, control logic, and memory. At this
point, we may ask the question, “How do we determine the size of the blocks in Fig.
15.27” The answer to this question leads us into the design and layout of the cells used to
implement each of the logic blocks in Fig. 15.2.

Input bus

Input latches

Full-adder cells

Output latches

Output bus

Clock

Figure 15.2 Floor plan for an adder.

' At many universities, design using a hardware description language (HDL) with field-
programmable-gate arrays (FPGAs) is discussed in the first (or perhaps second) course on digital
systems design.
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Standard-Cell Examples

Standard cells are layouts of logic elements including gates, flip-flops, and ALU
functions that are available in a cell library for use in the design of a chip. Custom design
refers to the design of cells or standard cells using MOSFETs at the lowest level.
Standard-cell design refers to design using standard cells; that is, the designer connects
wires between standard cells to create a circuit or system. The difference between the two
types of design can be illustrated using a printed circuit board-level analogy. A
standard-cell design is analogous to designing with packaged parts. The design is
accomplished by connecting wires between the pins of the packaged parts. Custom design
is analogous to designing the “insides” of the packaged parts themselves

Figure 15.3 shows an example of an inverter. In addition to keeping the layout
size as small as possible, an important consideration when laying out a standard cell is the
routing of signals. Keeping this in mind, we can state the following general guidelines for
standard-cell design:

1. Cell inputs and outputs should be available, at the same relative horizontal
distance, on the top and bottom of the cell.

2. Horizontal runs of metal are used to supply power and ground to the cell, a.k.a.,
power and ground buses. Also, well and substrate tie downs should be under these
buses.

VDD bus

PR

n+ well tie down

yand outputs on polyl VDD

Output

o [
‘{

l«—— Cell outline

Ground bus

pt+ substrate tie down

NN

IN  0UT

GND

Figure 15.3 Standard cell layout of an inverter.
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Figure 15.16a shows the schematic of an inverter. To realize the layout of this
circuit, it is first necessary to define the direction and metallization of the power supply,
ground, input, and output. Since the standard-cell template was discussed earlier (see also
Fig. 4.15 and the associated discussion), we’ll use it. Power and ground run horizontally
and provide the substrate and well connections. The input and output are accessible from
the top or bottom of the cell and will be in metal2 running vertically. Figure 15.16b
shows the completed stick diagram. Note the use of “X” and “O” to denote contacts and
vias, respectively. The stick diagram should be compared to the resulting layout of Fig.
15.17.

VDD VDD

Metall
Metal2

Active (n+ or pt)

Ground

®
Figure 15.16 (a) Inverter and (b) stick diagram used for layout.

Suppose the device widths of the inverter circuit in Figure 15.16a were
quadrupled. Furthermore, let’s assume that the maximum recommended polyl gate width
is 20 (due to the sheet resistance of the poly) and that exceeding that maximum could
introduce significant unwanted RC delays. Let’s also suppose that we are to optimize the
layout for size and speed (as most digital circuits are). To meet these criteria, it will be
necessary to split transistors M1 and M2 in half and lay them out as two parallel “stripes.”
Figures 15.18a—d show the schematics, stick diagram, and layout for this scenario. The
output node (drain of M1 and M2) is shared between the stripes so as to minimize the
output capacitance. Taking the output in metal2 also helps in this regard. Notice that the
stick diagram for this circuit looks like the previous inverter plus its mirror image along
the output node. Also observe that the layout of this inverter is mirrored, as shown in the
stick diagram. This is a common layout technique.

Figure 15.19 shows stick diagrams and layouts for two more common circuits: the
two-input NAND and the two-input NOR. Compare the stick diagrams of Figs. 15.19a
and c to the layouts of Figs. 15.19b and d. Observe that the output nodes share the active
area just as in the previous example. Also note that the spacing between the gates of the
series-connected devices is minimal.
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VDD VDD _____ VDD
RESET
Ml Ms b—J q M7
CLK——q M2 CLK—q M6
p—{ 0
CLK—-———' M3 CLK—~{ M8

Figure 15.20 Schematic of a dynamic register cell.

Polish

After your layout is basically finished, it is time to step back and take a look at it from a
purely aesthetic point of view. Is it pleasing to the eye? Is the hook-up as straightforward
as possible, or is it “busy” and hard to follow? Are the spaces between poly gates and
contacts minimum? What about the space between diffusions? Are there enough
contacts? Did you share all of the source and drain implants that can be shared? Are there
sufficient well and substrate ties? If you have planned well and followed the plan
described here, you shouldn’t run into too many problems.

Standard Cells Versus Full-Custom Layout

The standard cell approach to physical design usually dictates a fixed cell height and
variable width when implementing the circuit. Furthermore, standard cells are designed to
abut on two sides, usually left and right, and that abutment scheme must be quite regular
so that any cell can reside next to any other cell without creating a design rule violation.
The standard cell approach to layout is very useful and is always an excellent place to
start. However, in the real world, area on a wafer translates directly into profit and loss
(money). Wafer costs are relatively fixed whether they’re blank or as tightly packed with
circuitry as possible. Therefore, it follows that we want a layout that is as small as
possible so that there can be as many die per wafer as possible. These are the economics
of the situation. There are also technical advantages to be gained from having as small a
layout as possible: interconnecting wires can be as short as possible, thereby reducing
parasitic loading and crosstalk effects.

Figure 15.22 shows a typical standard-cell block that has been placed and routed
by an automatic tool. Most of the individual cells have been omitted for clarity. Notice
the interconnect channels between the rows of standard cells. Power, ground, and clock
signal trunks run vertically to both sides of the block by means of a special cell called an
“end cap.” Cell rows are connected to power and ground through horizontal buses that are
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Chapter

16

Memory Circuits

In this chapter we turn our attention towards the design of semiconductor memory
circuits. This includes the array design, sensing, and, finally, the operation of the memory
cells themselves. The memories we look at in this chapter are termed random access
memories or RAM because any bit of data can be accessed at any time. A block diagram
of a RAM is shown in Fig. 16.1. At the intersection of a row line (a.k.a., word line) and a
column line (a.k.a., a digit or bit line) is a memory cell. External to the memory array are

E ' Word line
! " (or row
: ' line)
1 1
: ¢ |
Row/word| ! \ Memory cell ,
Latches, | ! intersection of |
decoder, | ! ;"ow and column i
buffer ; ines i
1
! \ Bit line
! ' (or digit
i ¢ line or
; i column
T . line)
1 1
[ 1
1 t
I (
. '
H i
[[1e=e] e
External [ Column\bit\digit lines connected to
input Control | 3 sense amplifiers, decoder, and
1Py circuitry | e output buffers

Figure 16.1 Block diagram of random access memory.
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the row and column logic. Referring to the row lines, the row address is latched, decoded,
and then buffered. A particular row line will, when selected, go high. This selects the
entire row of the array. Since the row line may be long and loaded periodically with the
capacitive memory cells, a buffer is needed to drive the line. The address is latched with
signals from the control logic. After a particular row line is selected, the column address
is used to decode which of the bits from the row are the addressed information. At this
point, data can be read into or out of the array through the column decoder. The majority
of this chapter presents the circuits used to implement a RAM.

16.1 Array Architectures

Examine the long length of metal shown in Fig. 16.2. Let’s treat this metal line as one of
the bit lines seen in Fig. 16.1. The parasitic capacitance of this bit line to ground
(substrate) can be calculated using

Ccollsub =Area- Clsub (161)
If the capacitance from the metal lines to substrate is 100 aF/um?, then

Coottsus = (0.1)(100)(100 aF) = 1 fF (16.2)

Not that significant of a capacitance. However, at the intersection of the bit line with
every word line we have a memory cell. Let’s say that we have a memory cell every 400
nm (250 total cells or word lines) and that each memory cell is connected through an
NMOS device to the bit line. As seen in Fig. 16.3, this results in a periodic (depletion or
junction) capacitance on the bit line from each MOSFET’s source or drain implant. If this
capacitance is 0.4 fF, then the total capacitance hanging on the bit line is

Ccor = (number of word lines) - (capacitance of the MOSFET’s source/drain) + Ccoisus
(16.3)

or C.o =101 fF =~ 100 fF for this discussion. For the majority of the discussions in this
chapter, we’ll treat the column conductor as a capacitor, C,_,. Note that increasing the

number of word lines (the number of memory cells connected to a bit line) increases the
bit line capacitance.

0 Metall
E Capacitance of the
S bitline to substrate
p-substrate
v U
H (_

Layout of a bit line on metal 1

100 nm

Figure 16.2 The parasitic capacitance of a bitline to ground (substrate).
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ontact
‘«————— Implant from
the source or

p-substrate drain of a
_— MOSFET.

e
400 nm

—>

Figure 16.3 How a bit line is loaded with implants (depeletion capacitance).

16.1.1 Sensing Basics

In this section we discuss sensing the datum from a memory cell. Examine Fig. 16.4.
When a memory cell is accessed (the word [row] line goes high), the datum from the cell
(a charge) is placed on the bit line. The bit line voltage changes. At this point we know
the bit line looks like a capacitor and that only one word line can go high at a time in a
memory array (so that we don’t have two memory cells trying to dump their data onto the
same bit line at the same time). The voltage movement on the bit line, AV};, may be very
small, e.g., 50 mV or less, and so determining if the voltage is moving upwards or
downwards can be challenging. In addition, we would like our sense amplifier to drive
the bit line to full, valid, logic levels (for speed reasons in some memories and to refresh
the cell in a dynamic RAM, DRAM). Let’s consider some sense amplifier topologies.

—> Time

Bit line goes up ) Q AV i
I T e
Ceol g / Bit line goes down S— QA Vbir
Bit line /

At this time the bit line voltage moves
(this is the time the word line is accessed
and data from the memory cell is put on
the bit line (bit line = digit line = column).

Figure 16.4 Sensing a change on the bit line in an array.
NMOS Sense Amplifier (NSA)

Consider the schematic of an NMOS sense amplifier (NSA) seen in Fig. 16.5. M1 and
M2 form the NMOS portion of an inverter-based latch. The idea is to develop an
imbalance on the gates of M1/M2 so that one MOSFET turns on harder than the other.
Before we start sensing, we set the drains of M1/M2 to the same potential (an equilibrium
potential). When sense_N goes high (indicating that we are starting the sense operation),
the signal NLAT (N-latch) goes to ground (the sources of M1/M2 move to ground). While
this circuit clearly can’t pull the bit line high (we’ll add a PMOS sense amplifier later to
do this), we should see a problem. How do we get good sensing if the transistor loads are
not balanced?
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C'col

—

Memory array

Bit line

In the periphery
of the array.

sense N
/T

M1 M2
NLAT

Bottom of the array

M1 and M2 are the NSA.

Figure 16.5 Development of an NMOS sense amplifier (NSA).

The Open Array Architecture

To provide the same load capacitance for each input of the NSA, two arrays can be used,
as seen in Fig. 16.6. The array architecture in Fig. 16.6, from the side, looks like an open
book and so it is called an “open array architecture.” Let’s use some numbers and the
partial schematic seen in Fig. 16.7 to illustrate the sense amplifier’s operation.

Portion of a Bit uni‘
memory array /
_—>

Array 0

sense_N

Array 1

Figure 16.6 How the NSA is placed between two memory arrays in the so-called
open memory array architecture.
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=] —_
2 z
5 5
2 2
Q Q
£ E
=4 ME3 =
<) m
Eq — o
ME1 ME2
VDD _ 1
= =3V
Ccal_army() Ccol_armyl
100 f ! » 100 f
M1 M2
NLAT
N All NMOS are 10/1
sense. | MPD scale is 50 nm.

Figure 16.7 An NSA with equilibration circuitry and connections to two bit lines.

In the following we assume VDD =1 V and the column capacitance is 100 fF. We
start any sense operation by equilibrating the bit lines (the inputs to the sense amplifier).
In Fig. 16.7 ME1-MES3 short the bit lines together and to VDD/2 (= 0.5 V). When the
equilibrate signal, Eg, goes high, all of the word lines are low. We are not accessing any
data in the array but, rather, getting ready for the sense (read) operation. Figure 16.8
shows how the Eq signal is asserted for a short period of time and how, during this time,
the bit lines are equilibrated together and to 0.5 V.

During a sense operation, one of the bit lines will be pulled from VDD/2 to VDD.
The other line will be pulled from VDD/2 to ground. The amount of power used during a
sense depends on frequency and given by

P g = (numbser of sense amplifiers) - Coo - (VDD/2)* - f (16.4)

/Eqmllbrate signal, Eq

1.0

Bit line in array 0 ——>
0.5 05V

Bit line in array 1 —>

0.0
Q

Figure 16.8 How the equilibrate circuitry operates.
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Note, however, that when we equilibrate, no power is consumed. The two bit line
capacitances simply share their charge (one going from ground to ¥DD/2 while the other
goes from VDD to VDD)/2).

To show a sensing operation, let’s use the basic one-transistor, one-capacitor
(1T1C) DRAM memory cell seen in Fig. 16.9. To fully turn on the access MOSFET, we
need to drive the word line to VDD + V,,,, (with body effect). A typical value for the
memory bit capacitance, C,,, , is 20 fF. If the voltage on this capacitance is called V,,
and the bit line is precharged to VDD/2, then we can write the total charge on both
capacitors before the access MOSFET turns on as

Qtat = Cmbit Vmbit + (VDD/Z) : Ccal_array (165)

After the access MOSFET turns on, the voltage across each capacitor will be the same.
We’ll call this voltage, ¥, . Since charge must be conserved

Vﬁnal(cmbit + Ccal__array) = Cmbir Vmbil + (VDD/ 2) : Ccal_amzy (166)

or

Cmbir Vmbit + (VDD/2) . Ccol_array
Cmbit + Ccal‘army

Vinal = (16.7)

If a logic one is stored on C,,,, (which means V,,, is VDD, or here, 1 V) and C,,, = 20 fF
and C_, ., = 100 fF, then ¥, = 0.583 V. The change in the bit line voltage is

AVbis = Viinat ~ VDD/2 (16.8)
or here AV, =83 mV .

Cmbit 1 <t
g Ccalvarmy 7

Bit line

Access MOSFET g
T | Word line

Figure 16.9 The one-transistor, one-capacitor (1T1C) DRAM memory cell.

Figure 16.11 shows the signals resulting from the operation of the sense amplifier
in Fig, 16.10. The 1T1C DRAM (mbit) cell in arrayl (the DRAM cell at the bottom of the
schematic) has its word line held at ground when we sense the data in the cell in array0.
The bit line from array! is simply used as a reference. When we sense the data in arrayl,
the bit line in array0 is used as the reference (and so the word line in array0 is held at
ground).

For the simulation results in Fig. 16.11, we start out by equilibrating the bit lines
(as in Fig. 16.8). Next our word line, in array0, goes to a voltage greater than VDD + V.
This causes charge sharing between C,,,, and the digit line capacitance. For the simulation

results seen in Fig. 16.11, we set the voltage on C,,, to zero so we are reading out zero.
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Figure 16.10 The connection of the NSA to the memory arrays.
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Figure 16.11 N-sense amp's operation.
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When sense_N goes high, the NSA “fires” causing the bit line in array0 to move to
ground. Note that our reference bit line (from arrayl) droops a little. Figure 16.12 shows
the signals in a sensing operation if the mbit cell contains a “1.” The bit line voltage in
array0 now increases. The reference bit line in arrayl is pulled to ground (this doesn’t
harm the data in arrayl). To pull the bit line in array0 high, we’ll now add a PMOS sense
amplifier (PSA).

Bit line in array(

L] I T‘L / Bit line in arrayl
0.0 j
time nS \ A Vbiy

Figure 16.12 Reading out a "1" from the cell in array0.

PMOS Sense Amplifier (PSA)

To pull the bit lines up to VDD, we can add a PSA to the periphery of the array. Figure
16.13 shows the schematic of the PSA. The signal ACT (active pullup) is common to all
of the PSAs on the periphery of the array (as is NLAT for the NSAs seen in Fig. 16.6).
The signal sense_P is active low and indicates that the PSA is firing. The PSA is usually
fired after the NSA because the matching of the NMOS devices is, generally, better than

VDD

sense_P
—L ACT

To bitline To bitline
in array0 in arrayl

Figure 16.13 Schematic diagram of a PMOS sense amplifier.
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the matching of the PMOS. It’s not common to fire the sense amplifiers at the same time
because of the potentially significant contention current that can flow. Figure 16.14 shows
the full operation of a sense when the cell we are reading out has a one stored in it.

| Semsep

RELY Sy T Iy SEUECER S SR | sense_n

§ ﬁ Bit line from array 0
P e SR A : : . Bit line from array 1

| Eq | ; ; ; ‘

—“] ’ Row line voltage
0.0 i : : : :

0.0 5.0 10.0 15.0 200 25.0 30.0

time nS

Figure 16.14 How the PSA pulls the bit line from array 0 high.

Refresh Operation

Our sensing operation determined whether a 1 or a 0 was stored in the memory bit. For
this particular sense amplifier topology, the inputs and outputs are the same terminals.
This is fundamentally important for DRAM operation where the charge can leak off the
capacitor because of the finite subthreshold slope of the access transistors or leakage
through the MOSFET’s source/drain implant to substrate (hence the name “dynamic”).
To ensure long-lasting data retention in a DRAM, the cells must be periodically
refreshed. When we fire the sense amplifiers, with the access device still conducting, the
mbit capacitor is refreshed through the access MOSFET (the bit line is driven to ground
or VDD by the sense amp).

16.1.2 The Folded Array

The open array architecture seen in Fig. 16.6 has a memory cell at the location of every
intersection of a word line and a bit line. The open array architecture results in the most
dense array topology. Unfortunately, because of the physical distance between the bit
lines used by the sense amplifier, this architecture is sometimes not used. Figure 16.15
shows the basic problem. Coupled noise (e.g., from the substrate) feeds unequal amounts

Bit line from array 0 Bit line from array |

Different shapes of noise

Figure 16.15 Different amplitudes of coupled noise into physically separated bit line.
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of charge into the bit lines. This can cause the sense amplifier to make wrong decisions.
To attempt to make each bit line see the same sources of noise, we can lay the bit lines
out next to each other by folding array 1 on top of array 0 (see Fig. 16.6). The result,
called a folded array architecture, is seen in Fig. 16.16. The bold lines in this figure are
the bit lines from array 1.

Figure 16.16 The folded array is formed by taking the open array architecture (open book)
topology seen in Fig. 16.6 and "closing the book," that is, folding array 1
on top of array 0. Note that the bold lines indicate the bitlines from array |
in the newly formed array.

What is the cost for this improved noise performance? We know that when a
sense amplifier is used, one input is varied by the memory cell we are sensing, while the
other input is simply used as a reference. What this means is that instead of having a
memory cell at the intersection of every row and column, as in the open array, now we
have a memory cell at the location of every other row and column, Fig. 16.17.

ROWIll_I_‘ II l‘—’—‘ lr_[—‘ H’J—< ]{
1 il il 1 1
Row N ¢ R N 2N : e N e N :{
1 1 1 1 1
I e e I I I

_—”i

Figure 16.17 How a memory cell is located at every other intersection of a row line
and a column line in a folded-area architecture.
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hole’s depth to its diameter) can be quite high, which leads to processing concems. In Fig.
16.23 the buried capacitor cell pair is seen. Unlike the trench capacitor-based cell that
places the cell directly in the substrate, the capacitor is “buried” under the digit line but
still above the substrate. The benefit of this cell is simpler processing steps. One problem
with this cell, when compared to the trench-based cell, is that the parasitic capacitances
are higher (such as the capacitance loading the (digit) bit line). Also, for a given bit
capacitance, C,,, , the area of the buried capacitor cell may need to increase, while the
area of the cell using the trench capacitor remains constant. The depth of the trench
capacitor is increased for more capacitance.

1 ]

Q Digit (bit) line b

' ONO dielectric
Poly3 cellplate

Interlayer dielectric

Field poly Word line Field poly

10r3U09 Sur] NI

ATy
FOX ot _n+t ) n+ FOX
p-substrate Poly2 storage node

Figure 16.23 Cross-sectional view of a buried capacitor cell.

As we saw in Eq. (16.7), the value of C,,, is very important. Thin dielectrics with
high dielectric constants are used to implement C . Tricks like roughing up the
dielectric to increase the surface area are often employed. To minimize the stress on the
oxide, the common node of the capacitor is usually tied to ¥DD/2, as seen in Fig. 16.24.
When a logic 1 (VDD) is written to the cell, the charge on the capacitor is
(VDD/2) - Crmpis. When a logic 0 (ground) is written, the charge on the capacitor is
—(VDD/2) - Cpmpir. The difference in these charges is VDD - Cpmpir, which is the same

difference we would have if the common node were connected to ground.

——I g Ceol

Cmbil
VDD/2

Figure 16.24 Holding the capacitor's common plate at VDD/2 to minimize oxide stress.
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16.2 Peripheral Circuits

In this section we discuss the design of general sense amplifiers (for general use in
memory design), row drivers (remembering, for a DRAM, the row voltage needs to be
driven above ¥DD), and column and row decoder circuits.

16.2.1 Sense Amplifier Design

Examine the clocked sense amplifier seen in Fig. 16.26. When clock is low, MS3 is off
while MS1 and MS2 are on. Our input signals can’t go below V,,, (with body effect)
without shutting MS1 and MS2 off. Assuming that the inputs stay above V,,,,,, the drains
of M1/M3 and M2/M4 are charged to In+ or In— (creating an imbalance). When clock
goes high, the imbalance causes the circuit to latch high or low depending on the state of
the inputs. Figure 16.27 is the simulation output showing the typical operation of the
circuit. When clock is low, the circuit outputs are not valid logic signals but rather,
ideally, track the input signals. This circuit is plagued with problems including: kickback
noise, memory, and significant potential contention current.

VDD VDD

M4

M3
+ g—
In+ MSI1 Out Out— MS2 In—
clock |
H;‘7MS3
Figure 16.26 Clocked sense amplifier.
O A g nnes
Out+
3.0 AUSTTTTTTESy CEPPEEES P STUTTE e e tetetebedet=]
1 s In+ = pulse
N e R S M E..~....*..."...........E‘/fmm 04t00.6V
— =
; S>~In—=0.5V
) S s S S
l clock
0.0 ! " j
0.0 5.0 10.0 15.0 20.0 25.0 30.0
time nS

Figure 16.27 Simulating the operation of the circuit in Fig. 16.26.
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Kickback Noise and Clock Feedthrough

In the simulation that generated Fig. 16.27 we used, for our inputs, voltage sources. In a
real application, the inputs would come from some other logic or a bit line (a source with
a finite driving impedance). Consider including logic for driving the sense amplifier seen
in Fig. 16.28. We use long-length inverters to simulate a weak driver circuit (such as a
decoder made with a series of transmission gates). Seen in the figure are simulation
results at the time when the clock goes high (we get similar glitches when the clock goes
low). The large glitch seen in these figures is called clock feedthrough noise. It is present
when a clock signal has a capacitive path directly to the input of the sensing or
comparator circuit. The clock feedthrough noise in Fig. 16.28 is close to 50 mV on both
inputs.

Another type of noise, called kickback noise, is present and injected into the inputs
of the circuit when the latch switches states. It’s important to simulate the operation of
the sense amplifier with nonideal sources (with finite source resistance) to determine the
significance of clock feedthrough and kickback noise. Using voltage sources with 10k
resistors is a reasonable source for general circuit simulations. This noise is an important
specification for a sense amplifier. It can often be the limiting factor when making
sensitive measurements. If the kickback noise, for example, is too large, it can interfere
with sensing. A simple example of a potential problem occurs when 256 sense amps are
all being clocked at the same time (e.g., on the bottom of a memory array) and they are
directly adjacent to each other. We don’t want one of the amplifiers interfering with any
of the others by feeding noise into the others’ inputs.

LoniL/inverters driving se@‘pliﬁer.

v In— — Vina w  Int — Vinp

105D nermenenen et T S T ) 500

1.040

a b 030}
4

;x 020}--- ; g . \

1.010 \
. ] 10.0

1.000

0.990%mmmnenn 0.0
195.0

Clock goes high at 20 ns

Figure 16.28 Clock feedthrough noise.
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Memory

For a good comparison, the sense amplifier shouldn’t have a memory of previous sensing
operations. For the sense amplifier in Fig. 16.26, the outputs are actively driven by the
input signals prior to clocking. However, the drain of MS3 (sources of M1/M2) is
floating. This node is a dynamic node that floats to a voltage dependent on the previous
decision and the input signals. For a precision sense operation, all nodes in the sense
amplifier must be driven or equilibrated, prior to clocking, to a known voltage.

Current Draw

Because there may be thousands of sense amplifiers operating on a chip at the same time,
it is extremely important to minimize the power used by these circuits. Let’s take a look
at the current supplied by VDD to the circuit in Fig. 16.26 (with the signals seen in Fig.
16.27). Because the inputs actively drive the gates of M3 and M4, it is possible M3/M4
source a significant current into the inputs. In this case, Fig. 16.27, the V; voltages are
roughly 0.5 V (and so both M3 and M4 are conducting a drain current). The current
supplied by VDD is seen in Fig. 16.29. Clock is high during 0 to 5ns, 10ns to 15ns, etc.
(when the current supplied by VDD is small). If the average current is 50 pA and there are
1,000 sense amplifiers operating on the chip, then VDD supplies 50 mA of current (just to
the sense amplifiers). For minimum power, it’s important that there are no DC paths
from VDD to ground except during switching times.

ui — IDD

200.0r--m-mmmeeee R

150.0
100 D. \)
50.0 M ......... 1/_..__

-50.0 . a-t H
5.0 10.0 15.0 20.0 25.0 30.0
time nS

Figure 16.29 The current that flows in the sense amplifier in Fig. 16.26.

Contention Current (Switching Current)

When switching takes place in the sense amplifier of Fig. 16.26, both M3 and M4 are
conducting, When clock goes high, both M1 and M2 turn on and conduct current as well.
In this situation there is a direct path from VDD to ground. If the inputs are at relatively
the same voltages, the time that M1-M4 remain conducting can be very long (resulting in
significant current being pulled from VDD). To eliminate this metastable condition and
force the comparator to make a decision (switch to valid logic levels), the gain in series
with the input signals can be increased. A simple example of increasing input signal gain
is to place an amplifier on the inputs of the latch.

Note that if our input signals amplitudes are within a ¥V, of VDD, the PMOS
devices are off and we don’t have this problem. The inputs can generate an imbalance on
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the drains/gates of the NMOS transistors when clock goes high. Neither PMOS device
will turn on until either M1 or M2’s drain moves below VDD — V... For low power (low
contention current), try to keep one side of the latch shut off until a significant imbalance
is present in the circuit.

Removing Sense Amplifier Memory

Figure 16.30 shows how the sense amplifier’s memory can be erased. M1-M4 form a
latch (Fig. 13.16). To remove the sense amplifier’s memory, a// nodes in the sense
amplifier must be actively driven to a known voltage (no floating or dynamically charged
nodes). When clock is low, the sense amplifier’s outputs are pulled to ¥DD through MS3
and MS4. The MOSFETs MS1 and MS2 are off, breaking the connection between VDD
and ground (so no current flows in the latch). The gates of M1 and M2 are at VDD so
their drains are actively driven to ground. In other words, when clock is low, all nodes in
the circuit are either pulled high to ¥DD or low to ground.

VDD VDD VDD VDD
41} MS3 M3 M4 MsS4 b
Out— Out+
clock | |
I ms1 '
MS2
M1 M2

Figure 16.30 Removing memory in a sense amplifier.

Creating an Imbalance and Reducing Kickback Noise

When clock goes high, the latch action can take place. For the comparison to function as
desired, we need to generate an imbalance. This, alone, isn’t too difficult. What is
difficult is creating an imbalance for a wide range of input signals while not causing an
excessive amount of current to flow in the circuit. Consider the additions to our sensing
circuit seen in Fig. 16.31. MB1/MB2 can be connected to either the drain or the source of
MS1/MS?2, as seen in the figure. Let’s first consider connecting them to the drains. When
clock is low, the drains of MB1 and MB2 are pulled to ¥DD. If the input voltages are
significant, a large current can be drawn from VDD (when clock is low). If the input
voltages are relatively small, then the current pulled from VDD may be tolerable (keeping
in mind that the sense amplifier doesn’t function correctly when the input voltages are
less than V,,,). The benefit of connecting to the drains is high gain. Very small voltage
differences can cause quick sensing (the outputs swing quickly to valid logic voltages).
Note that the possibility for large current flowing through either MB1/MB?2 is present
independent of the state of clock.
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VDD VDD VDD VDD
Out— d E ’;%SE 5 }3- Out+
clock L | 3
L Ms1 |
! MS2 '

1n+«{ Mi ’» In—

Figure 16.31 Creating an imbalance in a sense amplifier.

Next let’s consider connecting MB1/MB?2 to the sources of MS1/MS2 (drains of
M1/M2). When clock goes low, the drains of MB1/MB?2 are pulled low through M1/M2.
No current flows in the comparator when clock is low (unlike when the drains of
MB1/MB?2 are connected to the drains of MS1/MS2). The gain is much lower because
now MB1/MB?2 are operating in the triode region when clock goes high. The potential for
large current flow is still present when clock is high but, now, the maximum value on the
drain of MB1/MB2 is VDD — V.. And so the potential for MB1/MB2 to move into the
triode region can result in a smaller output current.

We seem to have a problem. To reduce the possibility of metastability, we need to
increase the gain in series with the signal path (increase the W/L ratio of MB1 and MB2;
that is, reduce their switching resistance). However, this results in larger power
dissipation. How can we keep power down while maximizing the sensitivity of our sense
amplifier? While we can use long L devices for MB1 and MB2 so they never pull
significant current (at the cost of sensitivity and speed) or have a separate pre-amplifier to
generate the input signals, let’s look at some other ideas (noting that no design is perfect
but a trade-off between power, speed, and sensitivity).

Figure 16.32 shows one idea for creating an imbalance without the possibility of
significant current flow. MB1 and MB2 are used to create an imbalance in the gate-source
voltages of M1/M2. Since, prior to switching, the voltage on the gates of M1/M2 is VDD,
we can still have good sensitivity even though MB1 and MB?2 are operating in the triode
region (look like resistors). The large voltage dropped across ¥, ,, and V¢, ensure that
good gain. It is important, however, that the inputs signals are > ¥7,,, to ensure that the
circuit operates properly. The sensing fails if this isn’t the case because neither MB1 or
MB?2 can turn on and provide the needed path to ground for proper logic level signals. As
long as the inputs are above the threshold voltage, there aren’t any dynamic nodes (1o
memory in the sense amplifier). The sources of MS1 and MS2 are still pulled to ground
when clock is low. Kickback noise is reduced using this topology because the inputs are
isolated from the latch by MB1/MB2. Kickback noise is still present and must be
considered when designing and simulating this sense amplifier.
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Figure 16.32 Reducing power in a sense amplifier.

Note that we might try to design our comparator to operate over a wide range of
input voltages by adding PMOS devices in series with the sources of M3/M4, as seen in
Fig. 16.33. We know that MB1-MB4 must be capable of turning on when clock goes
high. If either pair can’t turn on, then the latch won’t be able to generate full logic levels.
For the design in Fig. 16.33, the input signals would have to fall within V,,, and
VDD — Vryp (more restricted than the circuit in Fig. 16.32). Also, and perhaps more
importantly, MB3/MB4 can’t generate an imbalance in the latch. If the sources of M1/M2
are connected to ground so that MB1/MB2 don’t generate the imbalance, then when clock
goes high, MB3 and MB4 are off. They won’t turn on until the NMOS pair M1/M2 turns
on and drops the gates of M3/M4 below VDD — V.. For great differences in the input
signals, the comparator may still function correctly. However, for the majority of the
input signal differences, the resulting output logic levels is determined by the matching
between M1/M2, e.g., the one with the lower “actual” V7, will turn on faster.

clock

In+
—

Figure 16.33 A bad design: how not to get wide-swing operation.
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Example 16.1

Suppose that it is suggested that the gates of M3/M4 be tied to the drains of
M1/M2 or MB1/MB2, respectively, in the sense amplifier (clocked comparator)
seen in Fig. 16.32. Comment on the concerns.

If the gates of M3/M4 are tied to the drains of M2/M1, then, when clock goes
high, a significant contention current flows in the latch. As discussed earlier, it is
desirable that one side of the latch (either the NMOS or PMOS pairs) is off when
the latch is clocked in order to reduce power. The same concerns are present when
these gates are connected to the drains of MB1/MB2.

We might try to eliminate MS3/MS4 when we tie the gates of M3/M4 to the
drains of MB1/MB2. Because the drains of MB1/MB2 always move to ground
when clock is low (again assuming the inputs are > V), M3/M4 will turn on and
pull the outputs high. When clock goes high, though, it’s impossible to shut
M3/M4 off. Because the maximum voltage on the sources of MS1/MS2 is ¥DD —
Vi » the gates of M3/M4 can’t go to VDD to shut one of the devices off. B

Increasing the Input Range

Figure 16.34 shows adding, to our basic sense amplifier in Fig. 16.32, MOSFETs
MB3-MBS so that the circuit will function with input signals ranging from 0 to ¥DD
(actually it will operate correctly with input signals beyond the power supply rails). We
know current can only flow out of the sources of M1/M2, so our additional circuitry, for
creating the imbalance, must be capable of sinking current from these sources (and so
we’ll add MB3 and MB4 for this reason). Next, we know that MB1/MB2 function fine
for creating the imbalance if the input signals are above V,,. However, if the input
signals are below V,,,, , they turn off. To level-shift the input, let’s use the MB5-MBS. If
the input signals are < V., then MB7 and MB8 are on. A difference in the input
voltages causes different currents to flow in MB5 and MB6. The different currents
flowing in these transistors results in different voltages across each one. This voltage
difference is then used to create an imbalance in MB3 and MB4. Unfortunately, the
addition of MB5-MB6 contradicts our earlier statement that, “For minimum power it’s
important that there are no DC paths from VDD to ground except during switching
times.” There is a DC path through MB8/MB6 and MB7/MBS. To lower the power, we
can increase the length of MB5 and MB6 so that the continuous current flowing through
the DC path is lessened.

Simulation Examples

Let’s simulate the operation of the circuit in Fig. 16.32. We know that the outputs of the
sense-amp go high every time clock goes low. To make the outputs change only on the
rising edge of clock, we can use the SR latch discussed in Ch. 13 on the output of the
circuit, Fig. 16.35. Now, with the addition of the NAND gates, when the sense amplifier’s
outputs are high, the outputs of the latch don’t change from the previous decision (made
on the rising edge of clock).

Figure 16.36 shows the current supplied by VDD for the circuit in Fig. 16.35.
While the current seen in this figure includes the current supplied to the NAND gates, it
still should be compared to Fig. 16.29. Notice in Fig. 16.36 that current flows only during
the times the clock changes states (unlike the current flow in Fig. 16.29).
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Figure 16.34 Rail-to-rail input signal range. See also Fig. 27.16.

Clock

Figure 16.35 Adding an SR latch so output only changes on rising edge of the clock.
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Figure 16.36 Regenerating the plot seen in Fig. 16.29 with the sense amplifier
from Fig. 16.35. The current includes the switching current from
the NAND gates.
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Next let’s look at the kickback noise. The clock feedthrough noise is small for this
topology because the clock is isolated from the input by three transistors. Let’s put the
sense amplifier in the topology seen in Fig. 16.28 where the inputs are driven to the rails
by long-length inverters. The simulation results are seen in Fig. 16.37. The kickback
noise is approximately 5 mV.

v — Inx av —Inp

1.00

1.0040

1.0020 PR adeeade \
1.0000}0-o- —4.0}e \ /

09980 »
19.0 ¢

Volts

Figure 16.37 Kickback noise.

Figure 16.38 shows the operation of the circuit in Fig. 16.35 where the outputs
only change on the rising edge of clock. The input signals are the same ones that were
used in generating Fig. 16.27 (although the simulation was 20 ns longer in Fig. 16.38).
The sensitivity of this sense amplifier is better than 10 mV. The sensitivity can be
improved by increasing the lengths of MB1/MB2 (so that they have a large resistance).
The drawback of the improved sensitivity is the increased time it takes to pull one of the
outputs to ground (the output transition time). The sensitivity can be increased without
this penalty by adding a preamplifier (e.g., a differential amplifier) between the sense
amplifier and the inputs, see Fig. 27.16.

Int = pulse

; : é—‘//iymOAto 0.6V
2.0} s ------------- e hoeenee e

%~ In—=05V

0.0 10.0 20.0 30.0 40.0 S0.0
tine nS

Figure 16.38 The operation of the circuit in Fig. 16.35.
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The length of the column (m-bits in the Fig, 16.39) and row (n-bits in Fig. 16.39)
address words depends on the size of the memory and the word size. For example, a
1-Gbit memory can be organized in x1 (by one), x2 (by two), x4 (by four), etc.,
configuration. The “by four” for example, simply signifies the word size used in the
memory’s input/output data path is 4-bits. A 1-Gbit memory in a x4 configuration simply
indicates that 256-Mwords can be addressed where each word is 4-bits. In a x1
configuration 1-Gbits of data can be accessed (2*° = 1-G = 1,073,741,824). We would
then have 15 address pins for 2" different row and column addresses (remembering that
the address pins are shared). The next question then becomes how to decode the
addresses and select the appropriate row(s) and column(s).

Global and Local Decoders

Looking at Fig. 16.39, we see that we decode the outputs of the row address latches and
the column address latches and then feed the outputs to the subarrays. This is called a
global decode. If the memory size is, once again, 1-Gbit (in a x1 configuration), then 2"
(= 32,768) row line wires and 2" column line wires are fed to the memory arrays. If each
memory array is 256-kbits (512 word lines and 512 column lines), then we need 4,096
arrays to get a 1-Gbit memory (64 by 64 memory arrays in Fig. 16.39). When the output
of the row decoder goes high, it turns on a word line in the 64 memory arrays of the
addressed row. A total of 32k columns then have data sitting on them. Because our
memory is going to take only 1 bit of data and feed it to the output, we have, perhaps,
wasted a lot of power. (In many topologies this large amount of data is called a “page.”
Once the row is opened it can be quickly read out of the memory by simply changing the
column address.) The other issue with the global decoder is that a separate layer of metal
is needed to route the decoded signals throughout the entire chip (adding process
complexity). The big benefit of global decoding is reduced chip size.

A local decoder takes the input addresses and, as the name says, decodes them
locally at the memory array. The 15 bits, for the example given above, are routed to each
subarray so that they can be decoded locally. This takes up a considerable amount of
space on the chip (having a decoder at each 256k array, for example) but doesn’t call for
increased process complexity. In most practical designs a combination of local and global
techniques are used. Some of the address bits are decoded globally while others are
decoded locally. The global decoder enables an array or (arrays), while the local decoder
selects the array’s row line and column line. A static decoder is seen in Fig. 16.40. Figure
16.41 shows how the 10-bit address (for 1,024 word or row lines) is connected to each
decoder element.

10-bit input

1] [

>
>

Figure 16.40 A static decoder.
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Figure 16.41 How the address lines are connected to a decoder element.

For the column decoder, we know that we have to be able to write or read data to
the memory cells (not just select a column). For this reason pass transistors are used on
the output of the decoder, as seen in Fig. 16.42. The pass transistor doesn’t pass a logic
one to full levels. We lose a V,,,, with body effect when writing or reading a one. The
sense amplifier may be used to pull the bit line up to a full logic one. Similarly, on the
output of the column decoder a sense amplifier may be used to pull the output line to full
logic levels. Finally, note that we drew the column decoder and its outputs going
horizontally. In practice, the outputs of the column decoder run in the same direction as
the columns themselves in order to save space.

To bit lines

/ A N

B DECO e oo
‘é ——
& — DECI [
= | T Decoder |
5 1 [ ]
A — .

— DEC511 . |

1

Data out or in

Figure 16.42 Addition of pass transistors to implement a column decoder.
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Reducing Decoder Layout Area

To reduce the layout area of address decoders, a pass-transistor based decoder, see Fig.
16.43a, can be used. The concerns with using this decoder are that the unselected outputs
are not actively driven high or low (they are floating) and, once again, as NMOS devices
they don’t pass a logic one to a full logic level (that is, ¥DD). This means that on the
output of the decoder, as part of our row driver, we need a circuit that, when not selected,
pulls the output of the decoder low. At the same time, to maximize the noise margins, the
switching point of the driver needs to be reduced. For example, with YDD =1V and V,,,
= 0.35 V (high because of body effect), the selected output of the decoder swings from 0
to 0.65 V. The switching point of the row driver should lie in the middle of this swing at
0.3125 (ideally), to maximize the noise margins, Fig. 16.43b.

I_—_l —_—
L
L
L U
T £
VDD —4 'g
2
| L :
T =
o
L
pil i —
(a)
a2* a2 al* al a0* a0
Decoder output DO—) To row driver
VDD
—L‘ Long L Reduced switching point voltage
()

Figure 16.43 A tree decoder used to reduce layout area.
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Another technique to reduce decoder layout size uses the precharge-evaluate (PE)
logic, Fig. 16.44, discussed in Ch. 14. This figure shows a 3-bit input decoder. The output
of the circuit goes high when the input address is 000. Using the long-length keeper
MOSFET makes the dynamic circuit operate as a static circuit. Variations of this circuit
are common in commercially available memories.

VDD
Long L keeper
evaluate
To row driver
—————>

al*

1 1 1L 1L &

Figure 16.44 3-bit PE decoder.

16.2.3 Row Drivers

In most memories a single NMOS pass transistor switches data into or out of the memory
cell. To fully turn this pass transistor on, the row line is driven to a pumped voltage (a
voltage outside of the power supply rails that is generated using the on-chip charge pump
circuit discussed in Ch. 18). We’ll call this pumped voltage VDDP. For our purposes this
voltage must be greater than VDD + V. (with body effect). In the following discussion
we’ll assume a VDDP of 1.5 V (since our ¥DD is 1 V and V,,, is 280 mV without body
effect).

Examine the inverter circuit seen in Fig. 16.45. The input to the inverter
connected to the word line swings from 0 to VDD (1 V). Note that the PMOS is sitting in
its own well. Both its source and body are tied to ¥DDP. When the input to this inverter
is low (0 V), the PMOS is on and the NMOS is off. The word line is driven to VDDP
(which is what we want). Unfortunately when this inverter input is high (= VDD), the
NMOS turns on but the PMOS can’t shut off. The source gate voltage of the PMOS is 0.5
V (above the PMOS’s threshold voltage). In this section we discuss word-line drivers,
knowing that a simple inverter can’t be used.
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VDDP =15V

To row (word) line
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Figure 16.45 Problems with using an inverter for a row driver.

A row driver based on the inverter is seen in Fig. 16.46. When the decoder output
is low, M1 is off and M2 is on. This causes M3 to turn on, driving the gate of M4 to
VDDP so that it shuts off. When the decoder output goes high, M1 turns on and M2 shuts
off. The gate of M4 is pulled to ground turning it on. This causes the word line to move to
VDDP and M3 to shut off. This circuit works well but there can be a significant
contention current when M3/M4 are turning on. To avoid this, the pumped voltage can be
a clocked signal that goes high affer the output of the decoder has transitioned. The idea
is seen in Fig. 16.47.

VDDP VDDP

M3 M4

%H Mi ¢——> To row line

o=

Figure 16.46 A CMOS word line driver.
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Figure 16.47 Using a clocked VDDP to reduce contention current in a row line driver.
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Chapter 16 Memory Circuits 465

MOSFET loads at the top of the array. If the information that is to be stored in the ROM
memory is not known prior to fabrication, the memory array is fabricated with an
n-channel MOSFET at every intersection of a row and column line (Fig. 16.51a). The
ROM is programmed (PROM) by cutting (or never fabricating) the connection between
the drain of the MOSFET and the column line Fig. (16.51b). Because it is not easy to
program ROM, it is limited to applications where it is mass produced.

VDD VDD VDD VDD VDD

ﬁEﬁ @Eﬁ gEr E @E}numm

Memory array

@ g: egj |

1_J_‘
il
. 1
H—Q7 Ii

C C; Cs Cy Cs

Figure 16.50 A ROM memory array.

Column Column

Row Row

(@ (®)

Figure 16.51 (a) n-channel MOSFET at the intersection of every column and row line
and (b) eliminating the connection between the drain and column line
to program the ROM.
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Erasable Programmable Read-Only Memory

Erasable programmable ROM (EPROM) was the first floating gate memory that could be
programmed electrically. To erase (return the cell to its fabricated state, that is, leave no
trapped charge on the floating gate), the cell is exposed to ultra-violet light through a
quartz window in the top of the chip’s package. The ultra-violet light increases the
conductivity of the silicon-dioxide surrounding the floating gate and allows the trapped
charge to leak off. The inability to erase the EPROM electrically has resulted in its being
replaced by Flash memory (discussed later).

Programming the EPROM relies on channel hot-electron (CHE) injection. CHE is
accomplished by driving the gate and the drain of the MOSFET to high voltages (say a
pumped voltage of 25 V), Fig. 16.56. The high voltage on the drain of the device causes
hot electrons (those with significant kinetic energy) to flow in the channel. A large
positive potential applied to the gate attracts some of these electrons to the floating gate.
The electrons can penetrate the potential barrier between the floating gate and channel
because of their large energies.

P01y2 — VDDP

i =) e n+

p-substrate

I = ‘;L Word line

Bit line

Figure 16.56 How charge is trapped on the floating gate using channel hot
electron (CHE) injection.

Two Important Notes

When we are programming the floating gate device, the accumulation of electrons on the
floating gate causes an increase in the device’s threshold voltage. The more electrons that
are trapped the higher the threshold voltage. This increase in threshold voltage causes the
drain current to decrease. The decrease in drain current then reduces the rate at which the
electrons are trapped on the floating gate oxide. If we apply the programming voltages for
a long period of time, the drain current drops to zero (or practically a small value).
Because of this feedback mechanism, the programming is said to be self-limiting. We
simply apply the high voltages for a long enough time to ensure that the selected devices
are programmed.
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Next examine Fig. 16.57. When we are programming a row of cells, we drive the
word line to a high voltage. If the cell is to remain erased, we simply leave the
corresponding bit line at ground. If the cell is to be programmed, we drive the bit line to
the high voltage. For CHE, both the drain and gate terminals of the floating device must
be at a high voltage. This is important because it removes the need for a select transistor
(something we’ll have to use in other programming methods to keep from programming
an unselected cell).

Bit line Bit line Bit line Bit line

l
lli ‘

Figure 16.57 Row of floating gate devices. When programming the word line is driven to
a high voltage. To program a specific cell, its bit line is also driven to a high
voltage. To leave the cell erased, the bit line is held at ground.

Word line

Flash Memory

By reducing the thickness of the oxide from, say, 300 A (a typical value used in an
EPROM) to 100 A, Fowler-Nordheim tunneling (FNT) can be used to program or erase
the memory cell. Floating gate memory that can be both electrically erased and
programmed is called electrically erasable programmable ROM (EEPROM). Note that
this name is an oxymoron. If we can electrically write to the memory, then it isn’t a
read-only memory. For this reason, and because the rows of memory are generally erased
in a flash (that is, large amounts of memory, say a memory array, are erased
simultaneously and, when compared to the EPROM method of removing the chips from
the system and exposing to ultra-violet light to erase, very quickly), we call floating gate
memory that can be electrically programmed and erased Flash memory.

While CHE and FNT can be used together (CHE for the programming and FNT
for erasing) to implement a memory technology, we assume FNT is used for both
programming and erasing in the remaining discussion in this chapter.

Figure 16.58 shows the basic idea of using FNT to program a device (recall that
this means to trap electrons on the floating gate so that the devices threshold voltage
increases). The control gate (poly2) is driven to a large positive voltage. For a 100 A gate
oxide this voltage is somewhere between 15 and 20 V. Note that we are assuming that our
NMOS devices are sitting in a p-well that is sitting in an n-well (so we can adjust the
p-well [body of the NMOS] potential). The electrons tunnel through the thin oxide via
FNT and accumulate on the floating gate. Like programming in an EPROM device, this
mechanism is self-limiting. As electrons accumulate on the floating gate, the amount of
tunneling current falls. Note that if we didn’t want to program the device when poly?2 is at
20 V we could hold the drain at a higher voltage (not ground) to reduce the potential
across the thin gate oxide (aka tunnel oxide).
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Y& Well contacts

Floating Poly2 *@—%
N
N S\ N /e 6 N/

p-substrate

Figure 16.58 FNT of electrons from the p-well to a floating gate to increase
threshold voltage (showing programming).

To erase the device using FNT, examine Fig. 16.59. Both the p-well and the
n-well are driven to 20 V while the control gate (poly2) is grounded. Electrons tunnel via
FNT off of the floating gate (polyl) to the p-well. The source and drain contacts to the
device are floating (to accomplish this we will float the bit line and the source n+ outside
of the array). Again, the movement of charge is self-limiting (however, there are device
issues that can result in over erasing). The tunnel current drops as positive charge
accumulates on the floating gate. If the erasing time is long, a significant amount of
positive charge can accumulate on the floating gate. This will decrease the threshold
voltage of the MOSFET. Figure 16.60 shows the programmed and erase states for a Flash
memory where a positive threshold voltage indicates that the device is programmed and a
negative threshold voltage indicates that the device is erased (we show = 3 V as typical
values).

N Floatin, Poly2 i
<;@ g Floating
o e i
NEANZ AT/ S AN
p-well
n-well

p-substrate

Figure 16.59 FNT of electrons from the floating gate to p-well to decrease
threshold voltage (showing erasing).
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To illustrate programming the floating gate MOSFET connected to RAO (row
address 0), examine the connections to the NAND cell seen in Fig. 16.62. The bit line is
driven to ground. A voltage, say 20 V, is applied to the gate of the top select gate. The
gates of the floating gate MOSFETSs connected to RA1-RA3 are driven to 5V. This 5 V
signal turns on these devices but isn’t so big that FNT will occur in them. The bottom
select MOSFET remains off so that there is no DC path from the bit line to ground, Fig.
16.58. The p-well (which is common to all of the cells in the memory array, that is, not
just the four in the memory cell) is pulled to ground external to the memory array via the
pt implant. Because the gate, RAO, is pulled to 20 V, as seen in Fig. 16.58, and the drain
implant is pulled to ground through the bit line, the device will be programmed (electrons
will tunnel through the oxide and accumulate on the floating gate).

The next thing we need to look at before talking about reading the cell is how we
keep from programming the adjacent floating gate devices, those also connected to RAQ,
if they are to remain erased. What we need to do is ensure that no FNT occurs in these
unselected devices. Figure 16.63 shows how we keep from programming a device. The
bit line of the cell that is to remain erased is driven to a voltage that is large enough to
keep FNT from occurring. The bottom select MOSFET is off, so there won’t be a DC
path from the bit line to ground (this is important because all other MOSFETsS in the
memory cell will be on).

Bit line
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Programming 5@ Select-top I ’J

this word line.
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Figure 16.62 Programming in a Flash NAND cell.
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Figure 16.63 How cells are programmed (or not) in a NAND Flash memory arrary.

To understand reading a NAND Flash cell, consider the expanded view of Fig,
16.60 shown in Fig. 16.64. If both select transistors are turned on (say 5 V on their gates),
the unselected row lines are driven high (say, again, to 5 V), and the selected row line is
held at zero volts, then the current difference between /., and 1, can be used to
determine if the (selected) floating gate MOSFET is erased or programmed. If an average
current, that is, (Zerased + Iprog)/2 is driven into the bit line, an erased cell will keep the bit
line at a low voltage. The selected (erased) MOSFET will want to sink a current of 7,
when its gate is zero volts. A programmed cell won’t be able to sink this current (it will

want to sink a current of 7, ) and so the bit line will go high.

Table 16.1 shows a summary of erasing, programming, and reading a NAND
Flash memory cell. Notice that in Figs. 16.58 and 16.59 (during either erasing or
programming the cell) the source of the MOSFET is floating. In Fig. 16.58 we can float
the source by shutting off the bottom select MOSFET in the NAND stack. However, in
Fig. 16.59 if we try to isolate the cell by shutting off the select transistors we see an issue,
that is, when 20 V is applied to the p-well, the n+ source/drain implants can forward bias.
This is why we must float both the bit line and the n+ source external to the array. Also,
note that the top select MOSFET is used to provide better isolation between the memory
cell and the bitline (it lowers the capacitive loading on the bit line). Going through the

Drain current
Erased state

Programmed state
I erased BT

IP’ og

___________ < -

>
Gate-source voltage

Figure 16.64 Expanded view showing erased and programmed IV curves.
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operation of the NAND memory cells, we see that the lower select transistor, from a

logical point of view, is all that is needed for basic cell operation.

Table 16.1 Summarizing NAND Flash cell operation

Inputs Erase Program Read
Bit line Floating ov High or low
select_top ov 20V S5V
RAO ov 20V oV
RA1 ov 5V 5V
RA2 ov 5V 5V
RA3 ov 5V 5V
select_bot ov 0V (so the source 5V
of the cell floats)
n+ source Floating ov ov
pt+ well 20V oV ov
tie-down
Comments Erases entire array | Programming the Reading the
since well and word | RAO cell. Bit lines | contents of RAO.
lines are common |of the cells not to be| An average current
(Flash). The p-well |programmed, but on| is put into the bit
at 20V will forward | RAO, are driven to line.
bias the n+ source | 7V to avoid FNT.
and drain regions. | Unused word lines
This requires the bit|  driven to 5V.
line and n+ source
float external to the
array.

Before leaving this topic, let’s use our short-channel process, which, of course,
has only a single poly layer to show how direct tunneling gate current varies with terminal
voltages. For our 50 nm, short-channel process used in this book (z,, = 14 A), the gate
current density is (roughly) 5 A/cm® A 500 nm by 50 nm device will have a gate current
of (typically) 50 pA. However, if the potentials of either the drain or source terminals of
the MOSFET move further away from the gate’s potential, the gate tunnel current will
increase. Figure 16.65 shows how the gate current changes in a 10/1 NMOS device
(actual width of 500 nm and a length of 50 nm) with the drain and bulk held at ground
while the gate voltage is swept from 0 to 2 V. Notice that at a ¥, above VDD (= 1 V), the
gate current becomes much more significant than the 50 pA we calculated for a typical
value a moment ago. Figure 16.66 shows that if we hold the drain at 1 V, the gate current
is significantly less than the values seen in Fig. 16.65. This is important because we can
keep from programming an erased cell (if we were using a floating gate in this technology
with oxide thickness of 14 A) simply by driving its drain (the bit line) to ¥DD. Finally,
Fig. 16.67 shows the current when erasing the device. The problem with using direct
tunneling for Flash memory is retention. While it is easy to program/erase the floating
gate device, it is equally easy for trapped charge to tunnel back off of a floating gate over
time.
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Figure 16.65 How gate current changes with gate voltage with either the gate or
source grounded.
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Figure 16.66 How gate current changes with gate voltage when drain is floating
and drain is at VDD.
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Figure 16.67 Erasing. Since electrons are being removed from the gate (they are tunneling
through the gate oxide), we know the gate current will flow out of the
device.
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An interesting use for floating gate MOSFETs is in the design of analog circuits.

Being able to adjust the threshold voltage of a MOSFET can be very useful for
low-power or low-voltage design. For example, the input common-mode range of a
differential amplifier can be widened by reducing the threshold voltage of the input
diff-pair. Also, trimming (removing offsets) can be accomplished when floating gate
MOSFETs are used. The interested reader is referred to the references on the following
page for additional information.
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IOOfg $100f

M1 M2
10 mV

sense_N |

Figure 16.70 Circuit for Problem 16.3.

the line is very long), errors can result. Would we make things better by using
individual MOSFETs on the bottom of each NSA connected to sense_N? Why or
why not?

16.5 Suppose a memory array has 1024 columns. If the word line resistance of one cell
is 2 Q and the capacitance per cell (to ground) is 500 aF, estimate the delay to
open a row line. Sketch the equivalent RC circuit of the word line.

16.6 In Fig. 16.71, if the top plate of capacitor C, is initially charged to ¥, and the top
plate of capacitor C, is initially charged to ¥, estimate the final voltage, ¥, , on
the top plates of the capacitors after the switch closes.

V1 S/ Va
‘T TG
Vs Vs

Figure 16.71 Circuit for Problem 16.6.

16.7 Figure 16.72 shows a clocked comparator topology based on the topology seen in
Fig. 16.32. The location of the imbalance MOSFETSs has been moved in this
figure. Comment on the merits and disadvantages of this topology compared to
the one in Fig. 16.32. Simulate the operation of this circuit.

16.8 Figure 16.73 shows the addition of /O (input/output) transistors to the memory
array and NSA seen in Fig. 16.17. Sketch a column decoder design using static
logic. Show how the 3-bit input address is connected to each stage.

16.9 The /O lines in the previous problem won’t swing to full logic levels. To restore a
full ¥DD level on these lines and to speed up the signals, a helper flip-flop is
used. Sketch a possible implementation of the helper flip-flop. Why can it be used
to speed up the signals?
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i e
clock | |

Figure 16.72 An alternative clocked sense amplifier.

16.10 Suppose a 2Mbit memory is to be designed as a x2 part (2-bit input/output words).
Further suppose that 10 address pins are available to access the memory. Sketch a
block diagram of how the row and column addresses are multiplexed together and
stored in separate registers. Use RAS and CAS, as discussed in the chapter to
clock in the addresses. Comment on the validity of using 20-bits to access 2Mbits
of data.

16.11 Suppose that the memory in Problem 16.10 is made up of 8-256k memory arrays
(assume 1024 row lines, a folded array, and 512 column lines). How many /O
lines are needed for each array? If three bits of the address are used to select one
of the memory arrays (so that only a single row is open in a single memory array

Row 1| |7 ,,_1_4 = ] . l{

1 il 1 1 1
Rowzg}rg,rg,rg{rg{rg.{
1 1 1 1 1

e N N < < <

wear_ [p¥e] [p¥e] [o¥e] [oie] [pin ] [
wo P9 PSP P P P

170
0 1 2 3 4 5
al
al 3-bit input A column decoder
a2

Figure 16.73 Design of a column decoder for problem 16.8.
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16.12

16.13

16.14

16.15

16.16

16.17

at a time), how big is a page of data? Sketch a block diagram of a possible
decoding scheme for the chip. Assume that only the three bits of the address are
globally decoded and that the remaining 17 bits are locally decoded. How many of
these bits must be routed to each array assuming an enable (one for each of the
eight memory arrays) signal from the global decoder is routed to each memory
array.

Suppose that it is suggested that the word line driver in Fig. 16.46 be modified to
simplify it as seen in Fig. 16.74. What is the problem with this design? Use
SPICE to illustrate the driver not functioning properly.

VDDP VDDP

M3 M4

DEC Mi ——> To row line

g:u

Figure 16.74 A (bad) CMOS word line driver, Problem 16.12.

Simulate the operation of the SRAM cell seen in Fig. 16.48. Use the 50 nm
process with NMOS of 10/1 and PMOS of 20/1. Is it wise for the access
MOSFETs to be the same size as the latch MOSFETs? Why or why not? Use
simulations to verify your answers.

Suppose an array of EPROM cells, see Fig. 16.57, consisting of two row lines and
four bit lines is designed. Further assume Vrgngrased =1V and Vignprog =4 V.
Will there be any problems reading the memory out of the array if an unused row
line is grounded while the accessed row line is driven to 5 V ? Explain why or
why not.

Suppose that it is suggested that the n-well in a NAND Flash memory cell should
be grounded at all times except when the array is being erased. Is this OK? What
would be a potential benefit?

Explain in your own words and with the help of pictures why a top select
MOSFET is needed in a NAND Flash memory cell.

Suppose that the transistor connected to RA3 in Fig. 16.61 is to be programmed.
Further suppose that the n+ source implant seen in the layout is to remain
grounded as indicated in Table 16.1. How do we float the source of the transistor
connected to RA3 so that it can be programmed as seen in Fig. 16.58?
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16.18

16.19

Reviewing Fig. 16.62, is it necessary that the gates of the floating gate MOSFETs
connected to RA1 — RA3 be driven to 5 V? Can the gates of these MOSFETs
remain grounded? Why or why not? If the RA1 MOSFET is to be programmed, in
this figure, must the gate of RAQ be drivento 5 V?

If the /., of a NAND Flash memory cell is 20 A and the /, is 2 pA, explain
what the bit line voltage will do when reading out the cell in the following
configuration, Fig. 16.75. Will the bit line go all the way to VDD? All the way to
ground? Explain. If the bit line capacitance is 200 fF, estimate the length of time it
will take the data on the bit line to settle before it can be read out. Assume that the

VDD is 5 V and the bit line is equilibrated to 2.5 V prior to sensing.
VDD VDD

E

10 pA

5V
Select-toj
o :

sun ng

5

<]f_l I I I l__l_f——l_1

q._

g

3

z

Select-bot

5V
(-
5V
5@
5V
e
5V
5@

Figure 16.75 Reading the contents of RAO in a NAND Flash cell.

16.20 Show, using a configuration similar to the one seen in Fig. 16.66, if it is possible

to get negative gate tunnel gate current (used for erasing) by grounding the gate
and raising the potential on the drain of the MOSFET. Explain why it works or
why it doesn’t work.
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removing water. If we don’t fill it up all the way or if the water spills out of the cup, the
level of the water in the sigma bucket changes. The result limits the precision of the
sense. One other limiting factor is the sigma bucket. If it is “leaky” and the water it holds
leaks out, the quality of the sense will be affected.

Table 17.1 An example of DSM.

Time, Water levelin | Remove cup? Running
seconds the sigma  |(water level > 5?) average
bucket (cups)
0 5 0
10 5.25 Yes
20 4.5 No 0.5
30 4.75 No 0.33
40 5 No 0.25
50 5.25 Yes 0.4
60 4.5 No 0.33
70 4.75 No 0.29
80 5 No 0.25
90 5.25 Yes 0.33
100 4.5 No 0.3
110 4.75 No 0.27
120 5 No 0.25
130 5.25 Yes 0.31
140 4.5 No 0.29
150 4.75 No 0.26
160 5 No 0.25
170 5.25 Yes 0.29

The Counter

We might wonder how, in a practical sensing circuit, we can get decimal numbers like the
ones seen in Table 17.1? The answer to this question is seen in Fig. 17.3. If a “yes,
remove a cup of water” is indicated by the output of the DSM sensing circuit going high,
a counter can be used to generate the number. If N is the total number of times we clock
the DSM, then

number of Yes outputs
N

In Table 17.1 N is 17. The number of “yes” outputs is 5. The final output number is then
5/17 or 0.29. If a 10-bit counter is used (assuming it was reset to zeroes at the beginning
of the sense), then its digital output is 00 0000 0101. To find the absolute value of the
input, we multiply this number by the size of the feedback signal (here one cup) to get

Output number = (17.1)
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17.1.2 Using DSM for Sensing in Flash Memory

Let’s discuss sensing using DSM in a floating gate memory cell technology (Flash).
Figure 17.5a shows the characteristics of the Flash memory cell discussed in the last
chapter (see Fig. 16.64). When we are sensing the state of the Flash cell, that is, erased or
programmed, we hold the row line at ground so that the cell’s ¥ is 0. If the bit line is
held at a potential above ground, say 1 V, then a current of either [, or I, (ideally)
flows in the cell. In reality variations in the production of the cell and the consistency of
the erase from cell to cell affect these values. Using DSM we can more precisely
determine the drain current in the cell. This allows us to make a more intelligent decision
about the state of the cell. Further, DSM can also be used to program the cell to precisely
set the programmed current flow. This allows us to make a memory cell out of a single
transistor, which can be used to store several logic levels (values of programmed current).
Because of the ability to precisely control the programming operation in a floating gate
technology, programming using Fowler-Nordheim Tunneling (FNT) can be abandoned
(gate oxides of around 80 A) for direct tunneling (gate oxides < 20 A). Of course, the
issues with data retention (the charge leaking off the floating gate) are still a concern. In
this section we qualitatively discuss how DSM can be used for sensing in Flash
technology.

Drain current

Erased state

Programmed stat
I erased Togr cd state (a)

lprog. -~ R
(I) Gate-source vT)ltage
Bit line
lI prog or/, erased 1V
. I erased I prog
Row line
Pl
We think of the Flash cell as
®) ©

Figure 17.5 The IV characteristics of a NAND memory cell and how we think of the
cell when sensing.

The Basic Idea

Figure 17.6 shows the basic idea. The sigma bucket in this figure is the bit line
capacitance, C,,. As seen in Fig. 17.4, the signal we are measuring is the rate current
flows out of this bucket, that is I, or /,,.. The comparator is used to determine if the
voltage on the bit line is below 1 V (again an arbitrary reference). The memory cell is

continuously removing charge from the bit line. When the bit line voltage is below 1V,
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VDD

Switch moves to bit line when clocked comparator output is high.

Loy /

Bit 11ne i

C ; Yes, output high.
bir v No output low.
I bit (1 prog or] erased)
clock DSM’s output

Flash memory cell.

Figure 17.6 Sensing a Flash memory cell using DSM.

the current source, 7, , is connected to C,, to provide the water to the bucket. Note that
we cannot connect the bit line to a voltage source when the output of the comparator
goes high. A voltage source, in our water analogy, is a pressure with an infinite supply of
water. The connection of the voltage source would fill the bucket up (the bit line
capacitance) to the pressure of the source (the voltage of the source). Again, by looking at
the number of times the output of the DSM sensing circuit goes high, we can determine,

very precisely, the value of /,,.
If we are clocking the comparator at a rate of f at a period of T (= 1/f'), then the
rate that charge is removed from the bit line capacitance (the sigma bucket) is
Toi _ AV
Cbit T

where AV} is the change in the bit line voltage. The amount of charge removed from the
bit line in one clock cycle T is

(17.3)

Qbit =1IpiT = Chpir - AVpir (17‘4)

These quantities are constant, However, the rate at which we add charge to the bit line
isn’t a constant (unless the output of the comparator is always the same). If N is the total
number of clock cycles (the total number of times we clock the comparator) and M is the
number of times the output of the comparator goes high (the number of “Yes, add charge
to the capacitor” signals), then the rate we add charge to the bit line from /__ is

cup
M
QCIIp:]cup'—]\_,"T (175)

In order for the voltage on the bit line (the water level in the bucket) to remain, on
average, constant, we require that the amount of charge leaving the bucket (Q,,) equal the
amount of charge entering the bucket (Q_ ) or

cup.
- - _ M
Qbit =luT= chp —ICup : X’— T (17.6)

or
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L _M

Tow N 17.7)

This result is important. It relates the counter output code, M, and the total number of
times the DSM sensing circuit is clocked, N, to the ratio of the Flash memory cells
current, /,, and the fed-back signal I, Note again that the charge leaving the bit line
capacitance can’t be greater than the charge entering the bit line capacitance, that is, we
require /ey 2 I5i. As mentioned earlier, using a large cup (large /,,,) increases the sensing

time for a required resolution (we’re averaging a larger variable).

Notice that Eq. (17.7) doesn’t include the clock frequency or period. We might
think that these quantities aren’t important. While, if the DSM is designed correctly, it
doesn’t directly affect the output of the sensing operation, we can have the situation
where the bucket (bit line capacitance) empties or overflows (goes to ground or VDD). To
avoid this situation, we may require that the maximum deviation on the bit line, AV pi; max
be less than some value over a time T. We can write, assuming /e, > Ipi,

AVbit,max = = A =Icup . Rsc (178)

For example, if the bit line capacitance is 500 fF, the clock frequency is 100 MHz (T = 10
ns), and lcup is 10 pA, then AVpiimax =02 V. If we clock the DSM slower, we must
increase our bucket size (add capacitance in parallel with C,, on the input of our DSM).

Example 17.1

Suppose that the DSM sensing circuit in Fig. 17.6 is used to determine the current
flowing in a programmed Flash memory cell. If the single transistor Flash memory
cell is programmed to conduct 1, 3, 5, or 7 uA of current, estimate the counter
output codes if the DSM is clocked 15 times (a 4-bit counter is used) and /,,, is 10
pA. Estimate the maximum bit line voltage change if the DSM is clocked at 100
MHz and the bit line capacitance is 500 fF.

For the 1 pA program current, using Eq. (17.7), we get

% = f—g — M= 1.5 so the counter output would be 2 (0010)
For the 3 pA program current through the Flash memory cell,

% = 1_A§ — M=4.5 so the counter output would be 5 (0101)
For the 5 pA program current,

% = % — M=".5 so the counter output would be 8 (1000)
Finally, for the 7 uA program current,

1—70 = % —> M=10.5 so the counter output would be 11 (1011)

The maximum deviation of the voltage on the bit line would be when the program
current is 1 pA (leaving the bit line) and /,, is connected (10 pA charging the bit
line). This would give a net current of 9 pA into the bit line so
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9ud - 10 ns

AV bitmax = ~S00F

=180 mV’
Let’s show the output decisions for the case when /,,,. is 1 pA, Table 17.2. Note
that if 1 pA is removed from the 500 fF bit line capacitor for 10 ns, the bit line
voltage drops 20 mV. If (net) 9 pA of current is put into the bit line for 10 ns, the
bit line voltage increases by 180 mV. Note that as calculated, the maximum
change in the bit line voltage is 180 mV. Also note that if the comparator had
output a Yes at 100 ns instead of at 110 ns, it wouldn’t have affected the final
output. &

Table 17.2 See Ex. 17.1.

Time, Bit line voltage | Add current? Bit line Counter
nanoseconds V,,<1V?) current output
0 1 -1 pA 0 (0000)
10 0.98 Yes (1) 9 pA 1(0001)
20 1.16 No (0) -1 pA 1(0001)
30 1.14 No (0) -1 pA 1(0001)
40 1.12 No (0) -1 pA 1(0001)
50 1.1 No (0) -1 pA 1(0001)
60 1.08 No (0) -1 pA 1.(0001)
70 1.06 No (0) -1pA 1 (0001)
80 1.04 No (0) -1 pA 1 (0001)
90 1.02 No (0) ~1 pA 1 (0001)
100 1 No (0) -1 pA 1 (0001)
110 0.98 Yes (1) 9 pA 2(0010)
120 1.16 No (0) -1 A 2 (0010)
130 1.14 No (0) -1 pA 2(0010)
140 112 No (0) -1 pA 2(0010)
150 1.1 No (0) -1 pA 2 (0010)

Notice, in the previous example, that we can clock the DSM indefinitely. The only
limitation is the size of the counter (after a time the counter will roll over). This is
important because, to get better resolution, all we have to do is sense for a longer period
of time. We can define the dynamic range of the sense operation, in dB, as the maximum
counter output code (V) to the smallest output code (1)

dynamic range (DR) = 20 - 1og¥ =20-logN (17.9)

noting that no signal would give a counter output code of zero. Clocking the DSM 1,000
times results in, ideally, a DR of 60 dB. Clocking the DSM 15 times results in a DR of
23.5dB.
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The maximum input signal, /,,
minimum resolvable signal is then

sumax » €quals the fed-back signal I, (Zcyp 2 pir). The
fed-back signal
N

Again, this illustrates that the larger the fed-back signal, the more averages, N, are needed
for a given resolution.

minimum resolvable signal = (17.10)

Example 17.2
Determine the minimum resolvable programmed current, I, , in Ex. 17.1. Verify
the answer with a table similar to Table 17.2.

Using Eq. (17.10), the minimum resolvable current is 10 pA/15 or 0.666 pA. If
this current is removed from the bit line capacitance for 10 ns, the voltage drop is
13.33 mV. If the bit line capacitance is charged with 9.333 pA for 10 ns, its
voltage increases to 186.66 mV. Table 17.3 tabulates the operation of the DSM
sensing circuit when [, is 666.6 nA. Note that in all situations where 7, is not
zero the first decision is a Yes. However, after neglecting this decision, N clock
cycles later the counter increments to 2 when the cell is sinking the minimum

resolvable signal (here 666.6 nA). B

Table 17.3 See Ex. 17.2.

Time, Bit line voltage | Add current? Bit line Counter
nanoseconds (millivolts) V,,<1V?) current output
0 1,000 —-0.666 pA 0 (0000)
10 986.67 Yes (1) 9.333 pA 1 (0001)
20 1,173.33 No (0) -0.666 pA 1 (0001)
30 1,160 No (0) —0.666 pA 1 (0001)
40 1,146.67 No (0) —-0.666 pA 1 (0001)
50 1,133.34 No (0) —0.666 pA 1 (0001)
60 1,120 No (0) —0.666 pA 1 (0001)
70 1,106.67 No (0) —0.666 pA 1 (0001)
80 1,093.33 No (0) —0.666 A 1 (0001)
90 1,080 No (0) —0.666 pA 1 (0001)
100 1,066.67 No (0) —0.666 pA 1 (0001)
110 1,053.33 No (0) —0.666 pA 1 (0001)
120 1,040 No (0) —0.666 pA 1 (0001)
130 1,026.67 No (0) —0.666 pA 1 (0001)
140 1,013.33 No (0) —0.666 pA 1 (0001)
150 1,000 No (0) —-0.666 pA 1 (0001)
160 986.67 Yes (1) 9.333 A 2 (0010)
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The Feedback Signal

The precision of a sense operation in a DSM is limited by how precisely current can be
guided into or out of the bit line capacitance. The bit line capacitance can be thought of as
integrating (an integrator, sigma) the difference (delta) between the fed-back signal (Z,,,
in Fig. 17.6) and the signal we are measuring (/,,). If the amount of charge (current)
steered into the bit line isn’t consistent from one clock period to the next, errors will
occur. To illustrate the possibility of errors, examine the circuit seen in Fig. 17.7. When
the switch is connected to ground C,, . (the parasitic capacitance on the output of the
current source), is discharged. Now when the switch is connected to the bit line /,,, must
charge both C,,,,...,. and C,,. Because the bit line voltage will be moving around and the
switch may stay connected to the bitline for two or more consecutive cycles, errors in the
sense will occur that limit the resolution. For example, the charge supplied to C,, ;. may
be 1.05 - Cparasiic (a bit line voltage of 1.05V) in one clock cycle, while in a different
clock cycle it may be 1.02 - Cparasiric. In our water analogy in Fig. 17.4 the amount of
water in the cup effectively changes due to this parasitic. If the size of the bit line
capacitance is large (or if capacitance is added to the input of the DSM to purposely
increase this capacitance) or only a course sense is used (say 128 or less clock cycles),
then C,,,.,. Will probably not affect the sense in any significant way. Note that if the
switch were connected to 1V in Fig. 17.7 instead of ground, the errors from C,, ... would
be reduced.

VDD

ey
Cparasitic v

|  Bitline (ideally at 1 V)

1.
L

Figure 17.7 How the parasitic capacitance on the output of the current source
causes errors.

In an attempt to minimize the power (power is burned unnecessarily when 7, is
connected to ground in Figs. 17.6 or 17.7) and the effects of parasitics consider the
switched-capacitor (SC) circuit seen in Fig. 17.8. In the following we assume the bit line
reference voltage (here 1 V) is greater than the threshold voltage of the PMOS transistors
so that the PMOS switches used in the SC can turn fully on. The two clock signals, ¢, and
¢, form nonoverlapping clock signals (they are never low at the same time). This is
important because we never want to connect the bit line directly to ¥DD (which occurs if
the clock signals are all low at the same time). When ¢, is low, C,, charges to VDD.
Next, ¢, goes high. Between ¢, going high and ¢, going low, the comparator is clocked
(on the rising edge of clock). If charge needs to be added to the bit line, the comparator

output goes high and the gate of M3 is driven low. Note that the inverter can be removed
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VDD T

M Jo— LI L 1 U
Con M2 b#/—u L L 2

l | | | | | | clock
M3:”3 O<} Output of comparator
changes on rising edge.
Bitline Vi
1 - 1 = add charge
i Chir v *— 0 = don't add charge
+

¢ Ibir (Iprag or Ierased)
clock

Figure 17.8 Using a switched-capacitor to add charge to the bit line.

if we swap the inputs of the clocked comparator so that a 1 output indicates “don’t add
charge” and a 0 output indicates “add charge.” When ¢, goes low, the charge on C,, is
dumped into the bit line. The charge leaving the bit line is still given by Eq. (17.4). The
charge dumped into the bit line from C,,, is

Qacup = Coup - (VDD = Vi) 17.11)

When we compare this amount of charge to Eq. (17.5), we see a benefit when 0, is nota
function of the clock period. However, the big drawback is that the charge we add to the
bit line is a function of the bit line voltage. This limits the accuracy of the sense. The
water analogy to this problem is that the cup is being filled up to a level dependent on the
sigma bucket water level. The amount of water dumped into the bucket from the cup
should be independent of the water level in the bucket.

To make the charge we add to the bit line independent of the bit line voltage,
consider the addition of another PMOS device in Fig. 17.9. When both the signal from
the comparator and ¢, are low, M2 and M3 are on. The charge from C,, is dumped into
the source of M4. The result is an initial increase in M4’s source potential (M4 turns on).
However, after the charge is dumped into the bit line, M4 shuts off. Its ¥ goes to Vp,,,
(M4’s source potential goes to Vrer + Vrrp). This keeps the potential across C,,, constant.

Equation (17.11) can be rewritten as

Qeup = Ceup - (VDD ~Vyer — Vrnp) (17.12)
knowing, to keep M4 from being fully on, that is, V', , not zero
Veer + Vrap > Vi max (17.13)
where V,, _ is the maximum voltage on the bit line (and, again, Vyi,min > Vrup).
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VDD

Bit line ¥V

Figure 17.9 Adding a MOSFET to set the swing across the capacitor.

Example 17.3
Using SPICE demonstrate the validity of Eqs. (17.11) and (17.12).

To demonstrate the validity of Eq. (17.11), examine the circuit in Fig. 17.10. We
know that a PMOS device passes a voltage from VDD to V,,, so we make sure
that the bit line is always at a potential greater than V},,, (= 280 mV for the short
channel process used in this book). If it’s not, the PMOS devices don’t behave
like switches. In the simulation we’ll sweep the bit line voltage from 0.3 to 1V
and look at the current through the bit line voltage source, V,,. M3 is always on so
we can look at the SC’s operation alone (without the effects of the comparator). If
Eq. (17.11) is valid, we should see a linear decrease in the current pulses (the
charge) as V,, is increased. Figure 17.11a shows the nonoverlapping clocks used
in the simulation. Note how neither clock (¢, or ¢,) is low at the same time (again,
this is important). Figure 17.11b shows the current through V,,. As expected it
decreases as V,, increases. As Eq. (17.11) indicates. the current goes to zero when

100f &= M2 b'd”
l M3 m

Bit line voltage is a ramp
Vpis / from0.3to 1 V.

Figure 17.10 Verifying Eq. (17.11), see Ex. 17.3.
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17.2 Sensing Resistive Memory

Let’s apply the techniques we’ve just discussed to sensing a resistive memory cell. Figure
17.14a shows a schematic of one-transistor, one-resistor (1T1R) memory cell. Notice the
similarity to the 1T1C DRAM memory cell seen in Fig. 16.9. Ideally the resistor is either
zero ohms (which we’ll call programmed) or infinite (which we’ll call erased), Fig.
17.14b. To sense in this ideal case, we simply precharge the bit line to ¥DD. When the
word line is driven high, the access device turns on, resulting in the bit line either moving
to ¥DD/2 (if the cell is programmed) or not moving at all (if the cell is erased). In a
practical circuit, however, the cell’s resistance will be nonzero and not infinite (say 10kQ
to 100kQ2 as seen in Fig. 17.14c).

< | Bit line

| Word line

Rmbir llmbit (a)

Lnbir Linbir

Programmed (a short)

Erased (an open)

3
>

Voltage across Rmbit

(b) Ideal characteristics

Programmed (say 10k)

Erased (say 100k)
¥

3
>

Voltage across Rmbit

(c) Actual characteristics

Figure 17.14 The one-transistor, one-resistor (1T1R) RAM memory cell.

The Bit Line Voltage

Consider the block diagram of a DSM seen in Fig. 17.15 with a resistive memory cell. To
keep the schematic simpler, we won’t include the access MOSFET. We know from the
previous discussions that the DSM tries to hold the bit line at precisely the reference
voltage used by the comparator. In Fig. 17.15 if the reference voltage used by the
comparator is ¥DD/2, then the current that flows through the memory resistor is zero. To
avoid this, we might use a reference that is offset from VDD/2 by V_. The current that
flows in the resistor is then

Vos
R mbit

(17.16)

Imbil =
In the ideal condition, the erased resistor results in zero 7,,,. The output of the DSM is
then simply a string of zeroes (we never have to add current to the bit line because none is
leaving). If the resistor is programmed, the bitline gets pulled down towards VDD/2. The
current source can’t supply enough charge to pull the bit line up and the DSM output is a
constant string of ones (yes, add current).
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VDD
Lap What happens when DSM holds the bit line at VDD/2?
1 - __0___—_________——_______—________——__‘I
<L | Bit line n !
Cu 1 I Yes, output low (0).
" l VDDI2+ Vo | No, output high (1).
Rmbit
VDD/2 clock

Figure 17.15 Sensing a resitive memory cell using DSM. Notice that we've
eliminated the inverter from Fig. 17.8 by switching the input
terminals of the comparator.

Adding an Offset to the Comparator

It’s important to minimize the number of reference voltages used in a memory sense
scheme. We’ll use VDD and VDD/2 and then design a comparator with a built-in offset
voltage. The comparator design is seen in Fig. 17.16 (see Figs. 16.32 and 16.35 from the
last chapter). Simulation results showing the offset are seen in Fig. 17.17. When In+ gets
50 mV above In—, the output of the comparator changes states. It’s possible to design the
comparator to simplify the sense circuitry, e.g., clock the comparator on the falling edge
of ¢,, remove the NAND gates on the output, and combine M2 and M3 in Fig. 17.9. In a

VDD vDD VDD

FL " P

/IF:

clock

tQl

In+_< 13/1 ’_ In— Out— Y

Make a little wider so that it
appears that the voltage applied All unlabeled NMOS are 10/1
to the gate is larger. All unlabeled PMOS are 20/1

Figure 17.16 Designing a clocked comparator with a built-in offset.
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o5 <— Int

. i In—
0.0 i b
T [ Mmemeemeed O —

0.0 100.0 200.0 300.0 400.0 500.0

time nS

Figure 17.17 The output of the comparator switching states when the
+ input is 50 mV above the - input.

production part we might want to do this. However, here, where we want to minimize the
glitches that may turn some switches inadvertently partially on, we don’t try to simplify
the circuitry (see problems at the end of the chapter).

Schematic and Design Values

The schematic for a DSM sensing circuit for resistive memories is seen in Fig. 17.18. The
capacitance associated with the bit line is shown explicitly (even though it’s a parasitic
associated with the line). When we are sensing the value of a resistive cell, a word line
goes high and connects the resistance, R,,, , to the digit line. The comparator, with its
built-in offset, tries to hold the bit line, through the feedback loop, at YDD/2 + Vps. The

Row /DD T=1fon

Rmbit Bit Mi b ¢1
;

— M4 F VDD/2

Vbir

-4 )

= Chir

s

Figure 17.18 Sensing circuit for resistive memory.
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current through the cell is then given by Eq. (17.16). Again, if N is the total number of
times the DSM is clocked and M is the number of times M3 is enabled so that C,,, can
dump its charge into the bit line, then we can write (reviewing Eqgs. [17.3] to [17.7],
[17.12], and [17.16])

Yos _p M 1_ _ - Cop- M. L
R~ Ocup N T (VDD —VDD/2 - Vryp) - Cenp N T (17.17)
or
Vos- T
Ronpis = o = (17.18)
(VDD2 = Vip) - Coup - 5
Notice that if R_,, goes to zero (programmed), the output of the DSM is always low (M is

always a 1). If R ,, is infinite, then the output of the DSM is always high (M is always a
0). To design the DSM, we need to pick an R, ,, value that separates what we define as a
low resistance (a programmed state) from what we define as a high resistance (an erased
state). Let’s use 50k. When the resistance is 50k, then M = N/2 (half of the clock cycles
the output of the DSM goes high). If M > N/2, then the cell is programmed. If M < N/2,
the cell is erased. If V;is S0 mV, VDD =1V, V;,,,=280 mV, and f,, = 100 MHz then

Cop=—20 _ 10n5=90/F (17.19)

022501
Since offset won’t be precisely 50 mV, we’ll round this up to 100 fF (and it will vary with

process runs). To estimate the value of the resistor given both N and M, we use Eq.
(17.18)

Roin = 25k - 1% (17.20)

Again, this is an approximation since our value for the offset won’t be exactly 50 mV.
Note that the minimum value of resistor we can sense occurs when N = M (R ppic = 25k).

One more thing that we must calculate before simulating the design is the
variation of the bit line voltage (see Eq. [17.8]). The minimum voltage on the bit line is
VDD/2 (when R, is small). The maximum voltage will be VDD/2 + Vs + AV (wWhere
the last term is the maximum change in the bit line voltage). To determine AV};, we can
write (knowing charge must be conserved)

Ceyp - (VDD = VDD/2 = Vp) = AV pis - Chig (17.21)
or
Ccup
AV = G2 - (VDDI2 = V) (1722)
bit

Using the numbers above with a C,,, of 500 fF gives a AVs; =37 mV . Note that we were
very concerned about how the bit line voltage change affected the amount of charge
supplied by C,,, (see Figs. 17.8, 17.9, and the associated discussion). Here (and Eq.
[17.16]) we aren’t concerned with how changes in the bit line voltage affect the current
through R,,.. The average current through R, is ¥,/R ,,. The DSM holds the bit line,
on average, at VDD/2 + V.. The charge supplied by C_ , however, is not constant on

average (as discussed earlier), and that is why M4 was added to the DSM.
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Figure 17.19 shows the DSM sensing circuit’s output for various values of R ,,.
Let’s compare the theoretical estimate, that is, Eq. (17.20) to the simulated results. In all
of the simulations seen in Fig. 17.19 we clock the DSM 50 times (a 100 MHz clock for
500 ns). In (a), with R ., = 25k, we get an output of 14 zeroes and 36 ones (= M). We can
then write

Rinpie = 25k - g% = 35k (actual value 25k)
For (b), we see M= 17 so

Rumpix = 25k - % =73k (actual value 50k)

and for (c) and (d),
Runoir = 25k - %% = 125k (actual value 100k)
Rmgie = 25k - % =208k (actual value 200k)

Notice that as we increase the value of R,,,, , we start to get nonlinear. The maximum

finite value we can sense with 50 clock pulses is
Vos-T-N

(VDDI2 = Vrup) - Coup

(= 1.25M here) (17.23)

Rmbit,max =

Again, the minimum resistance is

Ropo o = Vos-T
7Hm = (YDD/2 ~ Vi) - Coup

(= 25k here) (17.24)

v — Vref — Vbit v — Vref — out

——out — Vbit
Pt ST L L T L PP P PP PR B e T B e TP R
1 1.0
0.5 Fed A N b e et 0.5 Pttt AL A A b A i
0.0 oot bl Lt L L L D L L g b 1 1
-0 5leeeneen -0.5 .

00 100.0 200.0 300.0 400 0 500.0 0.0 100.0 200.0 300.0 400.0 500.0
time nS time nS
(@) Ropic = 25 kQ (b) Rompic = 50
moi,

v — Vref — Vbit v — Vref — Vbit

—out —out

O = S S ‘1 S N1 N ) ) SJ\‘ S — S

JuReeTi | NAETEV | NTTNT 12 HPATH ol

5 i O |
0.0 10000 20000 3000 4000 5000 0.0 1000 2000 300.0 4000  s00.0
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(C) Rmbn =100 £kQ (d) Rmbir =200
Figure 17.19 Outputs of the DSM for various Rmbit values.
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Notice that we get good linearity with (actual) resistance values ranging from 25k
to 75k. To sense larger values of resistances with good linearity, we must clock the DSM
sensing circuit more times (increase N). However, if we are simply trying to separate a
“big” resistor from a “small” resistor, we see that the scheme works very well.

A Couple of Comments

We might wonder why the simulated values are different from the actual values. The
answers come from incomplete settling (making C,,, appear smaller than it actually is)
and from the fact that the offset voltage is not precisely 50 mV. For the incomplete
settling problem we can clock the circuit slower or try using a larger width for M4. For
the offset voltage problem we might try to generate a precise reference voltage (VDD/2 +
V) for the comparator. Practically, this could lead to problems. In a real memory system,
the voltages are noisy. Reviewing the designs in Figs. 17.15 and 17.18, we see that if
there is noise on ¥DD/2 it feeds evenly into the comparator circuit and doesn’t affect the
operation (the — input of the comparator is connected to ¥DD/2 and so is R,,,). Further,
even if we could generate noise-free reference voltages, the comparator will exhibit an
offset because the MOSFETSs won’t be perfectly matched. In most sensing applications,
the relative values are usually more important than the absolute values.

Example 17.4
Show that M1, M2, M3 and C,, in Fig. 17.18 can be thought of as a resistor.
What is the resistor’s value?

Figure 17.20 shows the circuit portion from Fig. 17.18. The current that flows in
the resistor is

_VDD-VDD/2 - Vup

lavg = Rsc (17.25)
The amount of charge that flows during one clock cycle, if M3 is on, is
Qecup = (VDD =VDD/2 ~ Vrzp) - Coup (17.26)

or, if this amount of charge is only allowed to flow M times out of N

VDD
-

Mi b——i 1
Think of as % Rsc = N
Copde M2Jp———tp  Thinkofas, Con M
i M3 Enable M times out
. of N clock pulses

VDD/2 + VTHP

VDD/2 + VTHP

Figure 17.20 How a switched-capacitor resistor is modeled.
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Qup M M
Iavg=%"]\7=chp fﬁ (17.27)
or
N
Rer= 17.28
SC Ccup fM ( )

Noting that if M3 is always enabled (the circuit with only M1 and M2) we get a
switched-capacitor resistance of

Rsc= (17.29)

1
Cop-f
which, for Fig. 17.18 and the associated discussion, is 25k. B

Example 17.5
Show that M1, M2, and C,,, can be replaced with a resistor in the DSM sensing
circuit of Fig. 17.18. Show the DSM’s output when R ,,, is 50k and 200k.

The schematic for the DSM modulator is seen in Fig. 17.21. We might think that
the errors due to incomplete settling would be eliminated using this scheme.
However, the source of M4 will not be precisely at VDD + V., so an error will
still be present. Again, increasing the width of M4 will lessen the error’s effects.

mbit

Using the same values as used to generate Fig. 17.19b and d, we get the
simulation results seen in Fig. 17.22. The big benefit of this topology over the one
in Fig. 17.18 using the switched capacitor resistor is simpler design (no
nonoverlapping clocks are needed) and lower power (there are not as many
parasitic capacitances to charge and discharge). The current pulled from VDD in
Fig. 17.18 is 26 pA when clocked at 100 MHz, while the circuit in Fig. 17.21 uses
20 pA. The big drawback of using the simple resistor is the inability to adjust the
resistance by changing the clock frequency. In a practical circuit the fabrication

Row
Bit VDD

mbit

25k

M3 k}
a wa TlbrDD22

Vbir

Ay Sy

Chir i

Figure 17.21 Simpler DSM for sensing resistive memory.
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v ref —bit v —ret — Vbit
——out —out
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s
0.0 100.0 200.0 300.0 400.0 500.0 § 0 100 0 200.0 3000 1000 5000

tine S taine ns

(@) Rupir = 50 kQ (b) Rympic = 200 kQ

Figure 17.22 Simulation results for the circuit in Fig. 17.21.

process characteristics and temperature vary. To center the value of sense to half
way between a programmed and an erased resistor value, the clock frequency can
be adjusted. Adjusting the clock frequency in Fig. 17.21 simply adjusts the
variation in the bit line voltage. B

17.3 Sensing in CMOS Imagers

Another area where DSM (delta-sigma modulation) can be used for sensing is in CMOS
imaging chips that acquire images in cameras or video recording. A schematic of a
CMOS active pixel sensor (APS) is seen in Fig. 17.23. Light is applied through a filter
(so that only red, green, or blue light passes) to the photodiode. The photodiode changes
the light intensity into a charge. The charge is converted into a voltage and passed to the
column line. The brighter the light, the bigger voltage change we get on the column line.

Resetting the Pixel

Prior to acquiring an image each pixel in the imaging chip is reset. This is accomplished
by driving the reset row line (ResetN) to a voltage, VDDP, greater than VDD + Vp,,, (with
body effect). This turns M1 on and sets the voltage across the photodiode to ¥DD. This
condition is called the dark or reference level of the pixel. We can then turn M3 on by
driving RowN to VDDP and, with M2 behaving as a source follower, driving the column
line to the reference voltage level, 7. This is important because each pixel in an imaging
array will have slightly different characteristics. The differences in the pixels can result in
speckles in the image. We can subtract this reference level from the actual measured
signal level to get an accurate idea of the light intensity applied to the pixel (to eliminate
the pixel gain differences).

The point here is that our DSM circuit will have to sense, and store, a reference
level, V, , at the beginning of the sense.

The Intensity Level

After we have stored the reference level voltage ¥, (on a capacitor), the ReserN signal
goes low. This allows the light striking the reverse-biased photodiode (through the color
filter) to generate electron-hole pairs that cause the voltage across the diode to decrease.
After a time, the information stored on the gate of M2 (the decrease in the voltage across
the photodiode) is sampled on the column line (assuming M3 is on). The time between
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_-~""vpbD VDD "~
o AN Pixel
ResetN .*° | Mi L/
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: Light £
|I\ W M2 8 I:‘
. Photodiode M3 2
RowN N )i
N indicates the row number\ ST T

Figure 17.23 A CMOS active pixel sensor (APS).

the ResetN going low and the data (the column voltage, ¥, , corresponding to the intensity
of the light striking the photodiode) being sampled on the column line is called the
aperture time. Note that a dark signal corresponds to a large voltage on the column line
(VDD — V,,,), while a bright signal corresponds to a lower voltage (less than VDD —
VTHN)'

Sampling the Reference and Intensity Signals

When ResetN and RowN are high, the pixel’s reference (or dark) voltage, V; , is placed on
the column line, Fig. 17.24. At this time the sample and hold reference signal, SHR, goes
high and V7, is sampled onto a hold capacitor. Next, ResetN goes low and the photodiode
changes light into charge. After the aperture time, the information from the photodiode
(the intensity of the light) is on the column line, ¥,. This voltage is then sampled and held
on a hold capacitor when the signal SHI (sample and hold the intensity of the light) goes

g [\ SHR Reference signal
2 L /
] ] _ v
e C
SHI g H |
Intensity signa
L
Vi

Cu

i

Figure 17.24 Sampling the reference and intensity signals.
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high. What we want is to design a circuit that takes the difference in ¥, and V, and
generates a digital number.

Noise Issues

Circuit noise limits the dynamic range of the sense, resulting in the blurring of the images
or the inability to detect low light levels or distinguish between bright or high-intensity
light levels. The major noise sources in CMOS, as discussed in Chs. 8 and 9, are flicker
and thermal noises. The first design value we must select is the size of the hold capacitor
in Fig. 17.24. The size of this capacitor limits the thermal noise in the sample. As seen in
Table 8.1, using a hold capacitor of 1 pF results in an RMS noise voltage, just due to
thermal noise, of 64 nV. This corresponds to a peak-to-peak voltage in the time domain
of roughly 400 pV (six times the RMS value as seen in Fig. 8.33). Using a larger
capacitor takes up more layout area and takes longer to charge but lowers the amount of
thermal noise sampled onto C,,.

The output current of the pixel (when M3 is on and M2 is a source follower) also
contains flicker noise. When this pixel is connected to the large hold capacitance and the
capacitance of the bit line, the flicker noise current will be integrated. The result is a noise
power spectral density with a 1// * spectral shape. As discussed in Ex. 8.14, the RMS
value of the resulting noise signal will grow linearly with measurement time. What this
means is that to achieve a low noise sample onto C,, we want to minimize the amount of
time SHR and SHI are high and the time difference between the two signals. SHR and SHI
should only go high long enough to charge C;,. The amount of time between M1 turning
on and SHI shutting off should be as small as possible.

The amount of noise in ¥, and ¥, cannot be reduced after they are captured on the
hold capacitors. For example, ideally ¥, may be 0.5 V. However, because of noise ¥, may
be 0.501 V or 0.495 V, etc. We may be able to reduce the noise by averaging successful
samples though (see Eq. [8.48] and Ex. 8.14).

Ideally, the sensing circuitry (the circuitry used to change the analog voltages, V,
and ¥, , into a digital number) doesn’t introduce any additional noise. When using the
DSM, the counter can be thought of as a lowpass digital filter, Fig. 17.25. (See also the
book entitled CMOS Mixed-Signal Circuit Design for much more detailed description of
the frequency response of a counter.) As seen in this figure, if the sense time is the total
number of times the DSM is clocked, N, multiplied by the clock’s period 7, that is T, =
NT, then increasing the sense times lowers the bandwidth of the digital filter. This has the
effect of lowering the noise bandwidth (so that the DSM sensing circuit does not
contribute any further noise to the measured signal).

An example where a counter is used that doesn’t result in filtering the measured
signal is seen in Fig. 17.26. Here the column voltage corresponding to the intensity of the
light is used as the — input to a comparator. For the + input, a constant current is used to
charge a capacitor to generate a voltage ramp. When the ramp’s voltage gets above V,,
the output of the comparator goes high and stops the counter. In this scenario the counter
is simply used to give a digital representation of a time or ramp voltage. The counter
doesn’t provide any filtering (or more precisely averaging as used in DSM, see Tables
17.1 to 17.3). Notice also that this sensing topology very likely adds noise to the
measured signal. For example, we know that using a constant current to charge a
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SHR TCH out

¢ DSM
sensing ckt

l clock
s

H()
N

Column

T

counter

SHI

Cy

Frequency behavior of the counter

UNT 2(UNT) 3(UNT) f

Figure 17.25 Thinking of the counter as a digital low pass filter

capacitor results in a voltage signal containing 1/f° noise. The ramp, with noise, voltage is
connected directly to the comparator and causes noise to be added to the measured signal.
Further, if the comparator makes an error and switches states too early or too late because
of an offset or noise coupling from the adjacent column sensing circuits, again, the sense
adds noise to the measured signal (the digital output code isn’t constant but rather moves
around even though the inputs to the sense amplifier may be constant).

Also note that using the DSM, we can run the sense operation indefinitely, while
the scheme in Fig. 17.26 is limited by the ramp rate. Further increasing the clock
frequency in Fig. 17.26 won’t increase the resolution if the sense is noise limited. In the
DSM sensing circuit, increasing the clock frequency, as seen in Fig. 17.25, lowers the
bandwidth of the digital filter and increases the resolution of the sense.

£
[=]
&
Vi >
/ stop Counter ;
C £ > -
g clock

Figure 17.26 A circuit where the counter doesn't behave like a lowpass filter.
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Subtracting V, from V,

As we mentioned earlier, each pixel has slightly different characterisitics. For example,
the threshold voltage of M2 in one pixel may be 10 mV different from the threshold
voltage of M2 in a different pixel. To remove this error, we subtract the measured
reference voltage, ¥, , from the measured signal intensity, V,. It’s important, during the
sense, not to change these voltages with our sensing circuit. Let’s convert these voltages
to currents and then subtract the currents to get the difference (and not try to subtract the
voltages directly).

Examine the voltage-to-current converter seen in Fig. 17.27. This circuit is simply
a source follower that is made wide so that its V', is always approximately the threshold

voltage. The relationship between the drain current and the column voltage ¥V, , (V; or V)
is
j= Y22 Vir— Vel (17.30)
R
for
Veol < VDD — Viyp (17.31)

Reviewing Fig. 17.23, we see that if the threshold voltage drop of M2 (with body effect)
is more than V,,,, (without body effect because we placed the PMOS device in Fig. 17.27
in its own well), Eq. (17.31) will always be satisfied.

VDD

Column
=

L_L_—C* Wide
Cu
Vm[ = V] or VR g l 1

Figure 17.27 Linear voltage-to-current conversion.

Example 17.6

Using SPICE determine the linearity of the current in the circuit seen in Fig.
17.28. Use the short-channel CMOS process and compare the simulation results to
hand caculations.

IfVDDis 1V, V,,, =250 mV, and R is 10MEG, then
I=75-100- Vo nA4

Noting that the ideal slope of the line is —1/R (= =100 x 10~%). Figure 17.29 shows
the simulation results. In (a) we see from the transfer curve how the output, /,
changes with the input, ¥, In (b) we take the derivative of / to see if the slope is
perfectly flat. The linearity is pretty good (1%) for ¥, <400 mV. B
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Figure 17.28 Circuit used in Ex. 17.6.

nh —1lin nk —deriv(ilin)

1000 p=rsmrmmrmrmmesspen oot = -78.0

I 80 u\ .. : d =80 Ofe-eneee
60,0} eeeneeenneenes chal e

-84.0

-86.0

-88.0

: -90.0L-nenen
400 0 600.0 800.0 0.0 200.0 400.0 600.0 800.0
sveep nv sveep ¥

Veot Veol

5

(a) Showing transfer curve (b) Taking the derivative of (a)

Figure 17.29 Simulating the operation and linearity of the voltage-to-current
converter in Fig. 17.28.

We might wonder, from the last example, if it would be a good idea to try to make
the linearity of our voltage-to-current converter even better. Before doing this, let’s look
at the linearity of the source follower in the pixel itself. Figure 17.30 shows a simplified
schematic of the source follower (M2) used in the APS. We’ve modeled the finite output
resistance of the current source with a 10MEG resistor. The simulation results in Fig.
17.31 show the transfer relation of this circuit and its linearity. For column voltages
between 100 mV and 600 mV, the linearity is 0.5% (which is comparable so we won’t
concern ourselves any further with trying to better the linearity at this point).

+1V

V"—‘ 10/1 (M2)
From photodiode

10 pA

Column

Veol

10MEG

Figure 17.30 Looking at the linearity of the source follower in the pixel.
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2 Yol — vool v ~— deriv(vcol)
600.0 / chaI 884.0
i dVin ss3.0 / \

400.0

882.0

/ 881.0
/ 880.0

0.0 879.0
0.40 0.50 0.60 0.70 0.80 0.30 1.00 0.40 0.50 0.60 e.70 0.80 0.50 1.00

swvesp v sveep v

Vi Vi

200.0

Figure 17.31 Showing the transfer curve and linearity of the circuit in Fig. 17.30.

To take the difference in the currents, let’s use a current mirror as seen in Fig.
17.32. The current corresponding to the reference voltage is

_ VDD — VTHP - VR _ VR,xhiﬁ‘

Ir Rx Ry (17.32)
and the current corresponding to the intensity of light is
Il - VDD — VTHP - V] _ V[,shiﬁ (1733)

R; TR,
The difference in these currents is summed (sigma) in the bucket capacitor, as seen in Fig.

17.32. When we add our comparator and feedback to form a DSM, the charge on the
capacitor, averaged over time, is a constant. This occurs when

Veshifi Vishif

I:I:
rR=1 Rx R,

(17.34)

or

VDD

e
SHR Cu
g Vv, #
SHI i Ch
Ip= VDD—;:HP-VRQ 1

Figure 17.32 Subtracting the currents.
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Vishin = 115 * VRshin (17.35)

The ratio of the resistances gives us the information we need to determine the relative (to
the reference level, ¥, ) intensity of light on the pixel. To implement the resistors, let’s
use the switched-capacitor resistor as seen in Fig. 17.20. For the reference voltage we
know

Vishin 2 VR shin (17.36)
and so (R; > Rp). Let’s use (M3 always on in Fig. 17.20)
1
Rer= (17.37
7~ Cor )

and for R, (which will be enabled via M3 when its gate goes low)
1

Ri=———= (17.38)
f : Cc"p N
Rewriting Eq. (17.35), knowing M= N— M, gives
N
Vishi = VRshifi * N (17.39)
VDD
100f h iL‘ o
4 £ fbwor

p P b
Py

Vcol = VI or VR

8
SHR | pF b
£ CI
1 pF
b Out
10/10?—’ 10/10 i clock \
500f From Fig. 17.16
PMOS are 20/1 without the offset.

Unlabeled NMOS are 10/1

Figure 17.33 Schematic of a DSM for sensing in CMOS imaging chips.
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reference and intensity signals are sampled onto the hold capacitors. If ¥, = 650 mV, then

Veshin #1—-0.25-0.65 = 100 mV’

In Fig. 17.34a we apply the same signal to the DSM sensing circuit, that is 650 mV, for
V.. As expected, the output stays low for all times. In (b) we drop ¥, to 645 mV and see,
during the 500 ns to 1,500 ns sensing time, S output ones. As seen in the figure, the
sensed value indicates the intensity is 5 mV below the reference. In (c) we drop the
intensity signal to 400 mV resulting in ¥, ., = 350 mV. The sensed value with 72 of the
100 clock cycles being high is 357 mV. Let’s look at what would happen if we sensed 71
ones

100
100-71

In either case (71 or 72 ones) the resolution was so coarse that we couldn’t resolve the
actual signal. If we think about this for a moment, we see that if the counter output code
is small then the resolution of the measurement is better. For example, counter outputs of
1 and 2 result in

100 mV -

=345 mV

100 _ ._100
T00-1- 101 mV and 100 mV’ T00-3 - 102 mV
Looking at Eq. (17.39), we see that the dependence on M (the number of times the output
of the DSM goes high) is not linearly related to the light intensity, ¥, What we want is an
equation like (17.7), that is,

100 mV -

Vishifi = VRshifi - % (17.40)

To get a relationship like this, we might try to control the value of R, too as seen in Fig.
17.35. The complementary output of the comparator is fed back so that

Ry = (17.41)

and thus
Vishi = VR shift - N—LM (17.42)

Again, we do not have a linear relationship. Further, half or more of our outputs must be
used to enable the switched-capacitor resistor in series with the reference signal. If, for
example, Vrnin = Visnin, then M = N/2. Since Vi 2V, then 0 < M<N/2 (not good
design).

If we review the derivations leading up to Egs. (17.7) and (17.20), the common
theme is that the feedback signal controlled by the comparator is a constant addition to
the capacitive bucket (or bit line). In Fig. 17.18, for example, we used M4 to ensure that
the charge from C,,, was a constant added to C,,. In our current sense amplifier, Fig.
17.33, the signal we feedback is not a constant but rather a function of ¥,. When sensing
in a CMOS imager, the signal fed back should be a function of the reference level, V.
The comparator’s output should control a fed-back signal that is derived from V.
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VDD VDD
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&
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\ Vr .
v,
SHI L : 4
g >~ 0 Out
) +
10/1:;1——-‘%(;/10 icb ) clock

Figure 17.35 Using both comparator outputs for a DSM sensing circuit.

QO

Note that it’s a bad idea to ground the gate of M3I in Fig. 17.35 and only have a
single feedback path. Since ¥, > ¥, , we won’t be able to supply enough current through
the reference signal path. The charge supplied by the intensity path will always be greater
than the charge supplied from the reference path (and so C,,,,, will overfill). A new
topology is needed.

Figure 17.36 shows an NMOS version of Fig. 17.33. We’ve replaced the
capacitors with MOSFETs to show that the DSM sensor can be implemented using a
single-poly CMOS process. The PMOS devices are used for the “cup” capacitors. We use
PMOS instead of NMOS because, for the topology seen, the PMOS devices always
remain in strong inversion. The NMOS devices, for example, move towards accumulation
mode when ¢, turns on and discharges the capacitors. The result is a nonlinear
capacitance (the size of the cup varies). Similarly, we use NMOS for the bucket
capacitors because, for the topology used, they will always remain in strong inversion (the
capacitance won’t vary with the changes in the voltage on their gates). Note that a second
“bucket” capacitor was added across the 10/10 diode connected (gate and drain tied
together) PMOS device. This addition serves two purposes. The first is to ensure that
ground noise affects the comparator inputs equally (noise on ground will feed evenly
through the bucket capacitors to the input of the comparator). The second reason is that it
smoothes out the summation of the currents. Note that if the added capacitor is too big,
stability can be an issue (the added capacitor adds a delay in series with the feedback
path).
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VDD VDD VDD VDD

T

2

1 1

H: 500/10 500/10

li_Q Out Out
VDD ,_{

o1 _q
vDD YDD

50/105 —| E 50/10 QOut
o2 %i li

Unlabeled PMOS are 20/1 Out / Qi

Unlabeled NMOS are 10/1

Scale factor = 50 nm Use for modulator output.

Figure 17.36 DSM circuit for sensing in a CMOS imaging chip.

In Fig. 17.36 we show a comparator design using PMOS imbalance MOSFETS (as
seen in Fig. 16.32 for the NMOS flavor). When ¢, goes high, the outputs of the
comparator, Out and Out are driven low. When ¢, goes low, on the falling edge, the
comparator makes a decision concerning which of the bucket capacitors has the higher
potential across it. Based on this decision, the outputs of the comparator are latched with
the NOR-based SR latch. The Q output is fed back to enable or disable the summation of
charge via the reference path. We’ve used the Qi output as the DSM’s output. When the
intensity level is the same as the reference level, the output stays low for all times. It may
be possible to eliminate this SR latch in a production part. However, we include it here
because it makes the simulation results easier to look at (the glitches in the comparator’s
output are reduced).

Figure 17.37 shows some simulation results for the DSM circuit seen in Fig.
17.36. Notice, in this figure, that we’ve assumed the threshold voltage of the NMOS
device is 250 mV. Since our reference level (the black level for the pixel) is 650 mV, our
shifted reference level, V;,, , is 400 mV. For 100 samples then we can estimate the
resolution as

Vi
Vies = —R;;ﬁ >4mV (17.43)
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Looking at the figure, we may think that there is a large nonlinearity in the sense because,
for lower input voltages, Vl,:hiﬁ , the sensed value doesn’t exactly match the shifted value.
However, notice that the input changes from, say, 650 mV to 600 mV we get a code
difference of 12 (24/100 mV), or from 600 mV to 500 mV (23/100 mV), from 400 mV to
300 mV (20/100 mV). To get a better estimate for the resolution, let’s use an average
change of 23 counts per 100 mV to estimate the resolution, that is,

100 mp

Vies = 3 - 435 mV (17.44)
and so the shift in the reference voltage can be more accurately predicted as
Ve shi =435 mV because (=N Vi) s0 Vigy =215 mV (17.45)

Using this, the sensed outputs in Fig. 17.37 can be rewritten as:

(@), Vish = 640 mV —215 mV = 425 mV and the sensed value 435 m¥ - % 426 mV

(b), Vi = 600 mV' = 215 mV =385 m¥ and the sensed value 435 mV - % =382 mV

(©), Vihin = 500 mV =215 mV =285 mV and the sensed value 435 mV - % =283 mV

(), Vish = 400 mV—215 mV = 185 m¥ and the sensed value 435 mV - % =191 mV

(@), Viship = 300 mV =215 mV = 85 m¥ and the sensed value 435 mV - 2 = 104 m¥/

100

Indicating a linear sense that becomes nonlinear at the edges of operation (when V,
becomes comparable to the V,,,).

It’s important to understand the robustness of this sensing scheme. If the
comparator makes a mistake, it is averaged out (comparator gain and offset aren’t
important). If noise is coupled into the sense amplifier, it will be averaged out. The
sensing operation can be indefinite (noting that the hold capacitor voltages changing
because of charge leaking off of the capacitors will ultimately limit the length of the
sense). To increase the resolution of the sense, the clock frequency can be increased
(noting the size of the counter used must be increased too). Finally, the topology requires
little power. For the topology in Fig. 17.36 the current supplied by VDD is approximately
25 pA. If 1,000 of these sense amplifiers are used at the same time (say on the bottom of
an imaging array with 1,000 columns), then the current required from VDD is 25 mA. The
current can be further reduced by designing the DSM without the NOR latch seen in Fig.
17.36 or by using smaller capacitors.

The input-referred thermal noise is set by the sampling capacitors and is
characterized using k7/C (see Table 8.1) and the associated discussion. We might think
that using smaller capacitors results in an increase in the thermal noise. However this
noise is averaged by N, the number of clock cycles (the counter), so we can rewrite Eq.
(8.24) to show the decrease in the thermal noise with averaging as

Vanaise,RMS= A %Té (1746)
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Ve

DSM from Out
v, TG Fig. 17.36
T 20 mV offset

select

Halfway through the sense toggle this input.

Figure 17.40 Switching the inputs of a DSM to eliminate path mismatch.

— —

| N
| | VDD
Qo
VDD
FI_ |— 0i

sl e IR ol L

(a) Select is low (b) Select is high
Figure 17.41 The change in the feedback with change in select.

Note that by switching the inputs we also have to change the feedback internal to the
DSM. As seen in Fig. 17.36, we must switch the gate connections of Q and VDD in series
with the switched capacitor resistors, Fig. 17.41, (the outputs of the NOR latch are
switched).

Note at signal intensities close to the reference, V, , that the averaging will not
work out with just an up counter (as seen in Fig. 17.3). The signal, ¥,, must move away
from the reference by more than ¥ps. For example, if we swap the inputs to the DSM at
one ps in the simulation seen in Fig. 17.39, then the output of the DSM after 1 ps is
always low and the output code is'3 (the ideal output code from Fig. 17.37a is 2). This
(the averaging won’t work unless the |Vz — ¥;| < V¢5) shouldn’t be a problem since the
output codes at these levels correspond to dark signals. Again note that feeding back both
Q@ and Qi , Fig. 17.35, results in a nonlinearity, as seen in Eq. (17.42).
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Finally note that whenever starting or switching the inputs during a sense
operation there will be a start-up transient (see Fig. 17.34 for example). What this means
is that the counter should be disabled at the beginning of the sense or in the middle (if the
inputs to the DSM are swapped, as seen in Fig. 17.40, halfway through the sense
operation). Not disabling the counter during these times can result in sensing errors.
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PROBLEMS

17.1 Regenerate Table 17.1 in which the water level where a cup of water is removed
is 4.7 instead of 5. How are the results affected? If the sensing time is increased,
how are the final results affected (compare a water level of 5 against 4.7).

17.2 Generate a table, similar to Table 17.1, for the situation seen in Fig. 17.4 if the
amount of water leaving the bucket is 0.3 cups per 10 seconds.

17.3  Rederive Egs. (17.3) - (17.8) if 1, in Fig. 17.6 is replaced with a resistor.
Assume that the clock frequency is large (why?) to simplify the equations. What is
the requirement for the current through the resistor when it is connected to the bit
line in terms of the maximum bit current, /.

17.4 Using SPICE simulations demonstrate that the error because of parasitics, as seen
in Fig. 17.7, is reduced by connecting the switch to a 1 V source instead of
ground. [llustrate, with drawings, what is happening.

17.5 Show, using simulations, that if the output of the comparator swings from VDD to
VDD/2 we can eliminate M4 in Fig. 17.9 and still have Q. =Ceup - (VDD -
Vrer — Vrnp). Why? Does the amount of current supplied by ¥DD/2 increase?
Could this be a problem?

17.6  Show how the incomplete settling seen in Fig. 17.13 can be made more complete
by reducing the clock frequency or increasing the width of M4.

17.7 Demonstrate, using SPICE and discussions, that the circuit in Fig. 17.42 may be
used in place of the comparator and M3 in Fig. 17.18. How do output glitches
affect the sensing circuit’s operation?
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17.8

17.9

17.10

17.11

17.12

17.13

VDD VDD VDD

VDD
|
57 To bitline

13/1 || Ho=__¥DD/2

All unlabeled NMOS are 10/1
All unlabeled PMOS are 20/1

b To gate of M2.

Figure 17.42 Simplifying the comparator in Figs. 17.16 and 17.18.

Design a DSM sensing circuit that will determine the value of a resistor that may
range from 100k to 10 MQ. Simulate your design with SPICE and comment on
the design trade-offs concerning operating frequency and resistor (both the sensed
and, if used in the DSM, the feedback resistance) changes with process variations
or temperature.

Suppose that it is desired to have a noise floor of 100 uV RMS in a CMOS
imager. Further suppose that the sensing circuit doesn’t contribute any noise to the
sense (the transformation from the analog column voltage to a digital word).
Estimate the size of the hold capacitors used to sample both the reference and the
intensity signals.

Using simulations, determine if the linearity of the voltage-to-current converter
can be made better by adjusting the length and width of the PMOS device seen in
Fig. 17.28. Why does, or doesn’t, the performance get better?

Using the short-channel CMOS devices determine the average current that flows
in the circuit seen in Fig. 17.43. The clocks are nonoverlapping (never low at the
same time) as used throughout the chapter and have a frequency of 100 MHz.
Verify your answer using SPICE.

What happens, to the simulation results seen in Fig. 17.34, if the time step used in
the transient simulation is increased to 1 ns? How do the nonoverlapping clocks
look with this time step?

Simulate the operation of the circuit seen in Fig. 17.44. Do the comparator outputs
make full logic transitions? Are glitches a concern? Why? How do the simulation
results compare to the results seen in Fig. 17.37? Note that the outputs of the
comparator go low each time ¢, goes high so that Ouz can be used to clock a
counter directly.
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500 mV

Figure 17.43 Determining the average current that flows in a
switched-capacitor resistor. See Problem 17.11.

VDD

B g \
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VDD
50/10E 4' E 50/10
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Unlabeled PMOS are 20/1
Unlabeled NMOS are 10/1
Scale factor = 50 nm

Figure 17.44 Simplifying the DSM sensing circuit, see Problem 17.13.
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18

Special Purpose CMOS Circuits

In this chapter we discuss some special-purpose CMOS circuits. We begin with the
Schmitt trigger, a circuit useful in generating clean pulses from a noisy input signal or in
the design of oscillator circuits. Next, we discuss multivibrator circuits, both astable and
monostable types. This is followed by a discussion concerning input buffer design. Good
receiver circuits (input buffers) in CMOS chips are required in any high-speed,
board-level design to change the distorted signals transmitted between chips (because of
the imperfections in the interconnecting signal paths) into well-defined digital signals
with the correct pulse widths and amplitudes. Finally, we end this chapter with a
discussion of on-chip voltage generators.

18.1 The Schmitt Trigger

The schematic symbol of the Schmitt trigger is shown in Fig. 18.1 along with typical
transfer curves. We should note the similarity to the inverter transfer characteristics with
the exception of a steeper transition region (and hysteresis). Curve A in Fig. 18.1
corresponds to the output of the Schmitt trigger changing from a low to a high, while
curve B corresponds to the output changing from a high to a low. The hysteresis present
in the transfer curves is what sets the Schmitt trigger apart from the basic inverter.

Input Output
P us
Schmitt trigger logic symbol

VDD
Output, V

Y

A

A

>
>

t
Vsph Input, V

v

}
Vser

Figure 18.1 Transfer characteristics of a Schmitt trigger.
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Figure 18.2 shows a possible input to a Schmitt trigger and the resulting output.
When the output is high and the input exceeds ¥V, , the output switches low. However,
the input voltage must go below ¥, before the output can switch high again. Note that
we get normal inverter operation when V,, = V,, . The hysteresis of the Schmitt trigger
is defined by

Vie=Vspu—VspL (18.1)
InputA
Veen_ | ]\ /AN
Vspr-f-f-—-- "N
time
Output
VDD
time

Figure 18.2 Input, top trace, and output of a Schmitt trigger.

18.1.1 Design of the Schmitt Trigger

The basic schematic of the Schmitt trigger is shown in Fig. 18.3. We can divide the
circuit into two parts, depending on whether the output is high or low. If the output is
low, then M6 is on and M3 is off and we are concerned with the p-channel portion when
calculating the switching point voltages, while if the output is high, M3 is on and M6 is
off and we are concerned with the n-channel portion. Also, if the output is high, M4 and
MS are on, providing a DC path to VDD.

Input

I 11)

VDD
MS5
M6
M4 O
Output
M2 VDD
M3
Ml
Figure 18.3 Schematic of the Schmitt trigger.
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Let’s begin our analysis of this circuit, assuming that the output is high (= ¥DD)
and the input is low (= 0 V). Figure 18.4 shows the bottom portion of the Schmitt trigger
used in calculating the upper switching point voltage, ¥, . MOSFETs M1 and M2 are
off, with ¥V, = 0 V while M3 is on. The source of M3 floats to VDD — ¥V, , or
approximately 4 V for VDD =5 V. We can label this potential V_, as shown in the figure.

Output voltage is ¥DD until
switching occurs.

Input

Figure 18.4 Portion of the Schmitt trigger schematic used to calculate
upper switching point voltage.

With ¥, less than the threshold voltage of M1, ¥, remains at VDD — V... As V,,
is increased further, M1 begins to turn on and the voltage, V, , starts to fall toward
ground. The high switching point voltage is defined when

Vin=Vsprr=Vunz + Vx (18.2)

or when M2 starts to turn on. As M2 starts to turn on, the output starts to move toward
ground, causing M3 to start turning off. This in tumn causes ¥, to fall further, tuming M2
on even more. This continues until M3 is totally off and M2 and M1 are on. This positive
feedback causes the switching point voltage to be very well defined.

When Eq. (18.2) is valid, the currents flowing in M1 and M3 are essentially the
same. Equating these currents gives

B Bs
2 2
Since the sources of M2 and M3 are tied together, Vrun2 = Vruns, the increase in the

threshold voltages from the body effect is the same for each MOSFET. The combination
of Eqgs. (18.2) and (18.3) yields

Bi_ WiLs _[VDD— VSPH]Z

Vspr = Viiw)*? = =2(VDD ~ V= Vs )? (18.3)

By~ LW, (18.4)
The threshold voltage of M1, given by ¥, in this equation, is the zero body bias
threshold voltage (= 0.8 V in our long-channel CMOS process and 0.25 V in the short-
channel process). Given a specific upper switching point voltage, the ratio of the
MOSFET transconductors is determined by solving this equation. A general design rule
for selecting the size of M2, that is, B», is to require that

Bz22 B or B3 (18.5)

Vser —Vrun

since M2 is used as a switch.
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A similar analysis can be used to determine the lower switching point voltage,
V> resulting in the following design equation:

Bs _ WsLe =[ VspL ]2
Bs LsWs | VDD—Vspr—Vmup

The following example illustrates the design procedure for a Schmitt trigger.

(18.6)

Example 18.1
Design and simulate a Schmitt trigger using the short-channel CMOS process
with Vg, =400 mV and Vg, =700 mV.

We begin by solving Egs. (18.4) and (18.6) for the transconductance ratios. For
the upper switching point voltage,

W1L3=[ 1-0.7
WsLi  10.7-025

and for the lower switching point voltage,

WsLe :[ 0.4
WsLs 1-0.4-0.25

M2 is set to 10/1 and M4 is set to 20/1. Simulation results are seen in Fig. 18.5.
This figure reveals the benefit of using a Schmitt trigger, namely, it allows slow
moving inputs to be made into good solid logic high and low values. In a practical
circuit, connecting the ramp-shaped input seen in Fig. 18.5 to an inverter would
produce oscillations in the inverter’s output (because of noise on the ramp). B

2
] =044 > L =L3=1and W, =10,W; =22.5

2
:I =13 —>Ls=L¢=1and We=20,Ws=26

vV —vout —vin

. —— Output

______________ S I S N . _— Input

0.0 50.0 100.0 150.0 200.0
nS

Figure 18.5 The input and output of the Schmitt trigger designed in Ex. 18.1.

Switching Characteristics

The propagation delays of the Schmitt trigger can be calculated in much the same way as
the inverter of Ch. 11. Defining equivalent digital resistances for M1, M2, M4, and MS as

R, Ry, R, and R, respectively, gives a high-to-low propagation delay-time, neglecting
the Schmitt trigger output capacitance, of

tpar =0.7 - (Rn1 + R2) - Cload (18.7)
and

tpr = 0.7 - (Rpa + Rps) - Cload (18.8)

IPR2023-00698
Theta EX2019



Chapter 18 Special Purpose CMOS Circuits 527

18.1.2 Applications of the Schmitt Trigger

Consider the waveform shown in Fig. 18.6. A pulse with ringing is a common voltage
waveform encountered in buses or lines interconnecting systems. If this voltage is applied
directly to a logic gate or inverter input with a ¥, of 0.5 V, the output of the gate will
vary with the period of the ringing on top of the pulse. Using a Schmitt trigger with
properly designed switching points can eliminate this problem.

A

Volts
Input signal
Imput f--{-f-tftf+~--------------------------------- Vspr
=Y ¥mmmmm Vsp (Inverter)
"""""""""""""""""""""""""""""" Vspl_
Bl Schmitt trigger output time
Outputs
il nn Inverter output -

Figure 18.6 Applying a Schmitt trigger to clean up an interconnecting signal.

The Schmitt trigger can also be used as an oscillator (Fig. 18.7). The delay-time in
charging and discharging the capacitor sets the oscillation frequency. At the moment in
time when the output of the Schmitt trigger switches low, the voltage across the capacitor
is Vg, - The capacitor will start to discharge toward ground. The voltage across the
capacitor is given by

Vc(t) = Vspy - e VRC (189)
At the time when V(t) = Vg, , the output of the Schmitt trigger changes state. This time is
given by solving Eq. (18.9) by

f =RC-Ints22 (18.10)
Vspr

A similar analysis for the case when the capacitor is charged from ¥V, to Vg, gives

Ve(t) = Vsp, + (VDD — VspL)(l ~e%) (18.11)

o

R
VWA
i
@
Figure 18.7 Oscillator design using a Schmitt trigger.
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and

VDD —Vspy

tp=RC-In VDD — Vepy

(18.12)

The oscillation frequency, neglecting the intrinsic delay of the Schmitt trigger, is given by
-1
fose =17 (18.13)

The capacitance used in these equations is the sum of the input capacitance of the Schmitt
trigger and any external capacitance.

An alternative oscillator using the Schmitt trigger is shown in Fig. 18.8. Here the
MOSFETs M1 and M4 behave as current sources (see Ch. 20) mirroring the current in
MS5 and M6. When the output of the oscillator is low, M3 is on and M2 is off. This allows
the constant current from M4 to charge C. When the voltage across C reaches V,, , the
output of the Schmitt trigger swings low. This causes the output of the oscillator to go
high and allows the constant current from M1 to discharge C. When C is discharged
down to Vg, , the Schmitt trigger changes states. This series of events continues,
generating the square wave output.

If we label the drain currents of M1 and M4 as I, and I,,,, we can estimate the
time it takes the capacitor to charge from V,, to V,, as

=c V= Vsn (18.14)

13
Ips

and the time it takes to charge from Vg, to ¥, is

t2=C~M (18.15)
Ip

The period of the oscillation frequency is, as before, the sum of 7, and ¢,.

VDD VDD

Control _| M5

Voltage | I% j

Figure 18.8 Voltage-controlled oscillator using Schmitt trigger and current sources.
MOSFETs M2 and M3 are used as switches.

Ml

= 4%54
Gég o2
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This type of oscillator is termed a voltage-controlled oscillator (VCO) since the
output frequency can be controlled by an external voltage. The currents 7, and 7, (Fig.
18.8) are directly controlled by the control voltage. As we will see in Ch. 20, the current
in M5 is mirrored in M1, M4, and M6, with an appropriate scaling factor dependent on
the size of the transistors.

18.2 Multivibrator Circuits

Multivibrator circuits (Fig. 18.9) are circuits that employ positive feedback. The name
“multivibrator” is a vestige from early-time electronics development (prior to the
ubiquitous term “digital”) where the circuits’ outputs vibrate between two states. There
are three types of multivibrators: astable, bistable, and monostable. Astable multivibrator
circuits are unstable in either output (high or low) state. The oscillators that we have
discussed are examples of astable multivibrators. The bistable multivibrator is stable in
either the high or low state. Flip-flops and latches are examples of the bistable
multivibrator. Monostable multivibrators are stable in a single state. Monostable
multivibrators are also called one-shots. In this section we discuss the monostable and
astable multivibrators. We distinguish the material in this section from the other material
in the book by using resistor-capacitor time constants to set time intervals.

Astable — 4| Bistable.:'_— | Mtorll)(ly 1
stable

Oscillator Flip-flop One-shot

Figure 18.9 Multivibrator circuits.

18.2.1 The Monostable Multivibrator

A CMOS implementation of the monostable multivibrator is shown in Fig. 18.10. Under
normal conditions, ¥, is low and the output of the NOR gate, ¥, is high. The voltage V,
is pulled high through the resistor, and the output of the inverter, ¥, is a low. Upon
application of a trigger pulse, that is, ¥, going high, both ¥, and ¥, drop to zero volts and
the output of the inverter, which is also the output of the monostable, goes high. This
output is fed back to the input of the NOR gate holding ¥, at ground potential.

After triggering, the potential ¥, will start to increase because C is charged
through R. The potential across the capacitor after triggering takes place is given by
Ve@)=Vao(t) - V()= VDD - (1 —eFc) (18.16)
If we assume that the ¥, of the inverter is VDD/2, then the time it takes for the capacitor
to charge to ¥, is given by

VDD

I=RC'lnm

=RC-In(2) ~0.7RC (18.17)
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Vi % R
n_ N\ C
Triggerin _J_ I Dc Vs
17 14 V) I L_ Output
Al L

v, _\//J\
am l_
V| []

Figure 18.10 Operation of the monostable multivibrator.

\4

time

This time also defines the output pulse width, neglecting gate delays, since the inverter
switches low. The inverter output, ¥;, going low causes ¥, to go back to ¥DD and V, to
go to VDD + VDDJ/2. If the resistor or capacitor is bonded out (connected to the output
pads), the ESD diodes may keep ¥, from going much above VDD + 0.7. The time it takes
¥, to decay back down to VDD limits the rate at which the one-shot can be retriggered.
Also note that the trigger input can be longer than the output pulse width. Longer output
pulse widths may cause ¥, to go as high as 10 V as well as limit the maximum trigger
rate.

18.2.2 The Astable Multivibrator

An example of an astable multivibrator is shown in Fig. 18.11. This circuit has no stable
state and thus oscillates. To analyze the behavior of this multivibrator, let’s begin by
assuming that the output, ¥}, has just switched high. The output going high causes V| to
go high (to VDD + V), forcing ¥, low. The voltage across the capacitor after this
switching takes place is given by

=VDD .
Ve() = Vi(t) - V3(f) = (VDD + Vspy)- e — VDD (18.18)

The output of the astable will go low, ¥, =0, when ¥, = V,,. Substituting this condition
into the previous equation gives the time the output is high (or low) and is given by

t,=RC- 2R+ Vsm _ ) (18.19)
Vse1
If ¥, = VDDJ2, then
t1=t,=1.1RC (18.20)
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and the frequency of oscillation is

1 __1_
Jose = 1757, = 32RC (18.21)

Again, if the resistor and capacitor are bonded out, the ESD diodes on the pads will limit
the voltage swing of V.

)W : T -
Output
Vi v, Vs Jirir

INV1 INV2

Figure 18.11 An astable multivibrator.

18.3 Input Buffers

Input buffers are circuits that take a chip’s input signal, with imperfections such as slow
rise and fall times, and convert it into a clean digital signal for use on-chip. If the buffer
doesn’t “slice” the data in the correct position, timing errors can occur. For example,
consider the waveforms seen in Fig. 18.12. If the input signal is sliced too high or too
low, the output signal’s width is incorrect. In high-speed systems this reduces the timing
budget in the system and can result in errors.

Buffer input data Decision levgl

Buffer output data
(a) Correct pulse width (b) Decision level too high (c) Decision level too low

Figure 18.12 Timing errors in regenerating digital data.

18.3.1 Basic Circuits

If not careful, simple circuits can introduce unwanted pulse width variations because of
differences in rise and fall times. Consider the inverter circuit seen in Fig. 18.13. The
switching point voltage of the inverter, because of process, VDD (voltage), or temperature
variations (PVT) will move around. Further, differences in the PMOS and the NMOS
resistance will affect the rise and fall times of the inverter’s output signal. The output of
the first inverter, in Fig. 18.13, sees a much larger load capacitance than the second
inverter. The delay time from the input going high to the output going high is roughly
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—vin
— vout2

out2

Figure 18.13 How skew is introduced into a high-speed signal.

400-ps. However, the delay time between the input and the output going low is 600 ps. As
the input signal travels through the digital system, the time skew added to the input signal
can add up and result in timing errors (the data is received too early or too late at different
points in the system). Note that had we matched the loading of each inverter, the
propagation delays would be more similar, Fig. 18.14. When the input signal goes high,
the output of the first inverter goes low (,,; ) and the output of the second inverter goes
high (#,,;,). The total delay is the sum of ¢,,; + ¢,,,,. However, when the input signal goes
low, the output of the first inverter goes high (7,,,,) and the output of the second inverter
goes low (7, ), resulting in the same sum (¢, + ¢, ). If possible, make the number of
toy, delays in series with a high-speed signal even and equal to the number of t,,,, delays.

Of course, to better equalize the delays, the second inverter in Fig. 18.14 would
need an additional bit of loading (an inverter connected to its output). Also, the input
signal should transition faster in an attempt to match the transition times of the inverters.

v ~— vout ——vin
— vout2

out2

In > - > out2

g; 50f ;g s0f

Figure 18.14 How equalizing delays can be used to reduce skew.
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Skew in Logic Gates

Consider the NAND gate in Fig. 18.15. A different delay will be added to an input signal
depending on which input of the NAND gate is used. As seen in the figure, the 4 input,
with the B input high, propagates to the output slightly quicker than the B input (with the
A input high). For the NAND gate, this difference in propagation delays is only a factor
for the NMOS devices (because they are in series with the output of the gate).

VDD VDD Input connected to B with A high.
v — outa — outb
1.5 e eanea \ --------
: —Ci q Out ve
input
J Bl |Irw
| 0.5
Lo—‘ M1 *0 2.0
tine S

Input connected to A with B high.

Figure 18.15 The skew introduced by using different inputs.

Figure 18.16 shows how two NAND gates can be used in parallel to eliminate the
differences in the propagation delay between inputs. The series NMOS are arranged so
that no matter which input is toggled the output changes at the same rate. Note that two of
the PMOS devices can be eliminated to simplify the circuit without affecting the
propagation delays.

VDD VDD

4{ g «E E

4 |- s
1 |
= :

Figure 18.16 Using two NAND gates in parallel to reduce input-dependent skew.

The previous discussion neglected the effects of the gate’s switching point
voltage. If the input signals are not transitioning to full logic levels (VDD and ground) or
the rise and fall times are not fast (compared to the gate delay time), then the point where
the input circuit switches is critical. This leads us to our next topic.
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18.3.2 Differential Circuits

In order to precisely slice input data, as seen in Fig. 18.12, a reference voltage may be
transmitted, on a different signal path, along with the data. Alternatively, the data may be
transmitted differentially (an input and its complement). In either case a differential
amplifier is needed, Fig. 18.17. A differential amplifier input buffer (which we’ll simply
call an input buffer from this point on) amplifies the difference between the two inputs. In
the simplest case one input to the input buffer is a DC voltage, say 0.5 V (Vinm in Fig.
18.17). When the other input (Vinp) goes above 0.5 V, the output of the buffer changes
states (goes from a low to a high) or

Vinp > Vinm — out="1" (18.22)
and
Vinp < Vinm — out = 0" (18.23)
VDD VDD VDD
Out
NMOS are 10/1
PMOS are 20/1

scale factor is 50 nm

Figure 18.17 An (n-flavor) input buffer for high-speed digital design.

The diff-amp in Fig. 18.17 is based on the topologies seen in Ch. 22. This circuit
is self-biased because no external references are used to set the current in the circuit (the
gate of M6 is tied up to the gate of M3). When Vinp is larger than Vinm, the current in
M2 is larger than the current in M1 (V, > V). The current in M1 flows through M3
and is mirrored by M4 (and so M4’s current is less than M2’s current). This causes the
diff-amp’s output, Yom, to go towards ground (until the current in M2 equals the current
in M4) and the output of the inverter, Out, to go high. Note that the gain from the Vinp
input to the output of the circuit is larger than the gain from Vinm to the output (M3,
being diode-connected, is a lower resistance than M4). It is generally a good idea to
connect the reference voltage to the Vinm input.

The DC simulation results for the buffer in Fig. 18.17 are shown in Fig. 18.18.
The x-axis is the Vinp input swept from 0 to 1 V. The Vinm input is held from 0 to 1 V in
200 mV steps. When Vinm is held at 400 mV and Vinp goes above 400 mV, the output
changes from 0 to 1 (although there is a small offset which necessitates that Vinp go to
approximately 415 mV before the output transitions).
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v Vinm =0 e Vinm = 600 mV
vl | [ s
| AR
~ 0.60
3 N
S Vinm = 800 mV
0.2 A .
0.00 J / N
0.0 /1 0.2 0.3 0.4 5 0.6 0.7 0.8 e.9 1.0
P - ! Vinp Vinm =1V
Vinm =200 mV Vinm =400 mV

Figure 18.18 Simulating the DC behavior of the buffer in Fig. 18.17.

Transient Response

An example transient response for the buffer in Fig. 18.17 is seen in Fig. 18.19. A very
small increase in Vinp above Vinm is required to make the output of the buffer switch
states. We have several practical questions that should be answered with variations of this
simulation. For example, what are the minimum and maximum values of Vinm allowed.
Next, why are the delays between Vinp going high and going low different? Is it because
of the offset seen in Fig. 18.18 (the output doesn’t precisely switch at a Vinm 400 mV)?
Let’s provide some discussion concerning these concerns.

v —— Viop —— Yout, Out

— Vima /
1.5

i \ Vinm = 500 mV

i
)

_ogﬂ SUa:Iéﬂﬂ lsﬂa‘zﬂﬂ 250 30.0
, ! !..iu : Iln’§
t X
PLH tpHL Vinp

Figure 18.19 Transient response of the input buffer in Fig. 18.17 driving a 50 {F load.

Looking at Fig. 18.17, we can see that if the inputs fall below V,,, (= 250 mV
here), then the circuit won’t work very quickly (the MOSFETs move into the
subthreshold region). So we would expect the propagation delays to increase. Indeed, as
seen in Fig. 18.20, the delays go up. Ideally, the delay of the buffer is independent of
power supply voltage, temperature, or input signal amplitudes (or pulse shape). To get
better performance for lower input level signals, we might use the PMOS version of the
buffer in Fig. 18.17, as seen in Fig. 18.21. Resimulating this buffer with the signals seen
in Fig. 18.20 gives the results seen in Fig. 18.22. The delays are considerably better,
however, there is an offset that appears rather large (because the output changes at the
same time as Vinp going past Vinm, indicating that an offset is present). To avoid this
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“%

25.0 300

‘ / Vinp
\

100! 15.0

vinp

tpLH tPHL

J
I

Vinm =200 mV

Figure 18.20 Resimulating with lower input signal voltages.

VDD

VDD

Out

Figure 18.21 A PMOS input buffer for high-speed digital design.

v == Vinp —— Vout Out
—— Vinn

/ \\‘ // Vinp
. | \ /
—— /

0.0 5.0 10.0 15.0 20.0 250 30.0

tine - Vinm =200 mV
Figure 18.22 Repeating the simulation in Fig. 18.20 with the buffer in Fig. 18.21.

offset, we might use the NMOS buffer in Fig. 18.17 with the PMOS buffer in Fig. 18.21
to form a buffer that operates well with input signals approaching ground or ¥DD. The
result is seen in Fig. 18.23. By using the buffers in parallel, the complementary nature
results in a buffer that is robust and works over a wide range of operating voltages. Figure
18.24 shows a DC sweep simulation for the buffer with the Vinp input swept and the
Vinm changed in increments of 100 mV. Note the smaller offset.
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VDD

P
|

Vinm
—

Vinp

1~ Vinm

\_{ schematic symbol

Out

Figure 18.23 A rail-to-rail input buffer based on the topologies in Figs. 18.17 and 18.21.

N Vi

 0.60 } , Vinm swept in
myV steps
. /} | // 100 mV step:

o.uu""-"J j

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0

sveop v Vinp
Figure 18.24 DC characterisitics of the buffer in Fig. 18.23.

Example 18.2
Design a high-speed input buffer based on the topology in Fig. 18.17 with a small
amount of hysteresis.

In any circuit that has hysteresis we have some positive feedback. We can
introduce positive feedback into the buffer in Fig. 18.17 by adding a long L
MOSFET across the output inverter, Fig. 18.25. When the output is low, this turns
the long L MOSFET on and make the self-biased diff-amp work harder to pull the
input of the inverter to ground. When the output is high, the long L MOSFET is
off and doesn’t affect the circuit. B
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P

Figure 18.25 An input buffer for high-speed digital design with hysteresis.

VDD

Long L

VDD

Out

18.3.3 DC Reference

In the previous section we assumed we had a DC voltage, Vinm , at precisely the correct
voltage to slice the data (in the middle). In a real system the data varies and the
communication channel is bandlimited (behaves like a lowpass filter). The result is that
the amplitudes of the data vary depending on the data and the channel frequency
response. Consider the simple RC lowpass filter and data used to model a transmission
system as seen in Fig. 18.26. The ideal point where we slice the output data changes with
the input data. What we need is a circuit that determines the maximum and minimum of
an input waveform and outputs the average of the two to slice the buffer’s input data in
the center.

v —V1 ——= Viout

1.0
In 0.8
\»
0.6
i : Out 0.4}
) 1k : 3
In | 1 Out
; NAVAVA l L oo N
| : 0.0 20.0 40.0 60.0 80.0 100.0
! 10pF ! tine oS (a)
1 ' Input to buffer
| \ v —vaout —v
} | 1o
i Models transmission ! In 0.8
channel > /
0.6

0
0.0 20.0 wa 60.0 80.0 100.0

tine nS (b)
Figure 18.26 How the shape of the data changes through a communication channel.
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Towards this goal consider the peak detector circuit seen in Fig. 18.27. The buffer
from Fig. 18.23 can be used in this circuit. When the input, v,, , goes above the voltage
stored on the capacitor, v, , the output of the buffer goes low, turning on the long-length
MOSFET and pulling the output towards VDD. As v,,, approaches v, , the MOSFET
starts to shut off. As a result the output voltage across the capacitor, v, , corresponds to
the peak voltage of the input signal. This peak detector can be used to generate a
reference voltage that falls within the middle of the input data, Fig. 18.28. The peak and
valley detectors are used to find the minimum and maximum of the input signal. The two
resistors average the minimum voltages and feed the result (the DC average of the input)
to the bottom buffer circuit. The resistors also are used to leak charge off of the capacitors
so that the averaging circuit can follow changes in the input data (the averaging is actually
a running average). Figure 18.29 shows some simulation results. In the top plots the
output signal from Fig. 18.26a is applied to the input of the DC generation circuit. As
expected, the output of the DC generation circuit, after a start-up delay, goes right to the
middie of the input data.

The speed (response time) of this generation circuit can be increased by reducing
the resistors and capacitors in the circuit. However, if the values are reduced too much, a
long string of zeroes or ones will cause the DC generation circuit’s output (labeled
“average” in Fig. 18.28) to go to ground or ¥DD. The bottom traces in Fig. 18.29 show
the results of applying the output signal from Fig. 18.26b to the DC generation circuit.
Again, the output moves quickly to the center of the data. What’s more interesting in
these figures is a comparison between the original input data and the regenerated output
data (labeled /n and Out in Fig. 18.29). The output data pulse widths are considerably
different from the input pulse widths (remembering that there is a delay through both the
channel RC seen in Fig. 18.26 and the buffer in Fig. 18.28). Ideally, the pulse widths (the
data) of the input and output are the same. Looking at the responses in Fig. 18.26a, we see
that the effect of the finite channel bandwidth is to distort the channel’s output data. The
only solution to this problem is to make the channel transmission bandwidth effectively
wider. An equalizer (discussed in the next chapter) can be used for this purpose at the
cost of reduced signal swing. We can also reduce the input impedance of the input buffer
to lower the time constant associated with the channel. Let’s discuss this second

approach.
VDD
Vin
g
1 Vpeak

Figure 18.27 CMOS peak detector.
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Figure 18.29 The output of the DC restore circuit in Fig. 18.28.
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18.3.4 Reducing Buffer Input Resistance

A simple solution to increasing the effective bandwidth of the transmission channel is to
reduce the input resistance of the input buffer. The time constant associated with the
channel in Fig. 18.30 is 10 ns. When we connect the buffer to the transmission channel,
the time constant drops to 3.33 ns (the three 1k resistors in parallel multiplied by the 10
pF capacitance). The drawbacks of this approach are increased power dissipation and
reduced input signal amplitudes. Figure 18.31 shows how the buffer in Fig. 18.30 behaves
with the input signals seen in Fig. 18.26a. The distortion (difference in the pulse widths of
ones and zeroes when comparing the communication channel input, /n , and the buffer
output, Out) is much better.

VDD
i 1k : 1k
In ' |
V9 ; +
i ' Out
i L ! 1k Buffer
; 10pF _
3 l |
E Models transmission f
channel To DC generation circuit
Figure 18.30 Reducing the input resistance of the input buffer.
oo v v —vin — out+1,28
600.0 ; ey f 2.5 . v r ; :
550.0 ; ‘ ' LAnnn LELADN DR
500.0 Out ' l
450.0 = l—- L J _J s_l —
400.0} J(ul/ T e
350.0 \\5}\ \ \\‘ \J In osfi
300 g 100.0 200.0 ]ﬂﬂ‘ o ° g 0 EU‘U 100.0 150.0 200 0 250.0 300.0
time nS tine nS
input

Figure 18.31 How reducing the input resistance of the buffer reduces the input
signal amplitude (bad) and distortion (good).

Figure 18.32 shows an alternative low input resistance input buffer. When the
input goes high, M1 turns on and M4 shuts off. This causes M2 to turn on and M5 to shut
off. The output then goes high. When the input goes low, M1 turns off and M4 turns on
(with M2 shutting off and M5 turning on). The result: the output goes low. Again, the
power burned by M1 and M4 can be high if the transistors aren’t sized properly. Further,
the input swing is limited to a threshold voltage away from the supply voltages. This
reduces the input voltage swing and further enhances the speed.
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vDD vDD VDD
M4 ﬁ—w M5 M6
<4
In Out
]

Figure 18.32 A low-input resistance input buffer.

18.4 Charge Pumps (Voltage Generators)

Often, when designing CMOS circuits, positive and negative DC voltages are needed that
do not lie between ground and VDD. An example of an application where a larger DC
voltage source is needed was seen in Ch. 16 when we discussed Flash memory (see Fig.
16.59). A simple circuit, sometimes called a voltage pump (or more often, a charge
pump), useful in generating a voltage greater than VDD, is seen in Fig. 18.33.

Vout

s
JuL

I—W:‘- Ml
Y-
/‘ T
LML

i Cioad

Figure 18.33 Pump used to generate a voltage greater than VDD.

The operation of the voltage pump of Fig. 18.33 can be explained by first
realizing that both M1 and M2 operate like a diode. M1 is simply used to pull point A to
a voltage of VDD — V.. M2 allows the charge from C, to charge C,, but not vice-versa.
Let’s begin the description of the circuit operation by assuming that the output of the
inverter is low and point A is at a potential of VDD — V,,,,. When the output of the
inverter goes high, the potential at point A increases to VDD + (VDD — V) = 2-VDD —
Viun This turns on M2 and charges C,, to 2:(VDD — V,,,), [an extra ¥V, because of
M2’s gate-source voltage drop], provided C, >> C,_, and the oscillator frequency allows
the capacitors to fully charge or discharge before changing states. In most practical
situations, C,, and C, are comparable in size, and the output of the pump is loaded with a
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DC load. The result is an output voltage with a startup time; that is, ¥, does not
immediately rise to 2-(V¥DD — V) but requires several oscillator cycles to reach steady
state. Also, the output has a ripple dependent on the DC load. Figure 18.34 shows the
simulation results for the circuit of Fig. 18.13 using 10/1 NMOS (scale factor of 50 nm)
with C,, = C, =1 pF and an oscillator frequency of 10 MHz. Using this simple pump
with a DC load, such as a resistor, may require employing larger MOSFETs and
capacitors to avoid excessive voltage droop.

v —vout —a

]
]

f

-
| —

Sygeligspagegs

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0
tine us

Figure 18.34 Simulating the operation of the voltage pump in Fig. 18.33.

Negative Voltages

The positive voltage pump uses n-channel MOSFETs, while the negative voltage pump,
Fig. 18.35, uses p-channel MOSFETs. The reason for this comes from the requirement
that the diode formed with the n+ (p+) implant used in the drain/source of the MOSFET
combined with the p-substrate (n-well) does not become forward-biased. Forward biasing
this parasitic diode is an important concern and is often the reason why some more exotic
pump topologies can’t be implemented. For example, in Fig. 18.35, we connect the well
of the PMOS devices to ground instead of to their respective sources. Consider what
would have happened had we connected the well to the source of the MOSFET. When the
output voltage goes negative, the (n-type) well goes negative too. If the substrate (p-type)
is at ground, this forward biases the n-well to substrate diode acting to clamp the output
of the pump at a negative diode drop. While we could have left the bodies of the PMOS
(the n-wells) tied to ¥DD, here we chose to connect them to ground so that the body
effect wasn’t so severe (a lower threshold voltage).

OSC E S V
> o I , @ l out
l Cload

Figure 18.35 Negative voltage pump.
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Using MOSFETs for the Capacitors

The capacitors used in Figs. 18.33 and 18.35 can be replaced with MOSFETs. An
example of using n-channel MOSFETs in place of the capacitors in Fig. 18.33 is shown
in Fig. 18.36. The main requirement on a MOSFET used as a capacitor is that its V
remain greater than ¥, at all possible operating conditions. In other words, the
MOSFET must remain in the strong inversion region so that its capacitance is a constant
C’ W-L. The capacitor, C,, in Fig. 18.36 remains in strong inversion because V,, >>
Vi - The capacitor C, remains in strong inversion because, when the inverter output is
low, the voltage on the gate of C, is VDD — V,,,, (= V). When the output of the inverter
is high (VDD), the voltage on the gate of C, is 2:-VDD — V. In both cases (the output of
the inverter high and low), V= VDD — V..., and the MOSFET is in the strong inversion
region.

vDD

0SC | A M2 _ Vour
|> | 1L Clous
LT ‘%‘ o

Figure 18.36 Using MOSFETs as capacitors.

18.4.1 Increasing the Output Voltage

Figure 18.37 shows a voltage pump with a higher output voltage. The increase in the
output voltage comes from eliminating the threshold voltage drop at the gate and drain of
M?7. This allows the output to swing up to 2:-VDD — V..

To understand the operation of the circuit, let’s assume that the voltage at point A
is low and the voltage at point C is VDD - V,,,. When the output of INV1 goes high,
point A is VDD and the voltage at point C swings up to 2-VDD — V.. This causes M4,
MS, and M6 to turn on and pull points D and E to ¥DD. Now when point B goes high
(point A goes back to zero), points D and E swing up to 2-VDD and the output goes to
2:-VDD — V. Note that MOSFETs M2 and M3 are not needed; unless the pump drives a
DC load , they never turn on. Also, separating points D and E is unnecessary unless the
pump supplies a DC current.

18.4.2 Generating Higher Voltages: The Dickson Charge Pump

The voltage pumps of the last section are limited to voltages less than 2-¥DD and greater
than — 2-VDD. Figure 18.38 shows a scheme for generating arbitrarily high voltages
(limited by the breakdown voltage of the capacitors or the oxide breakdown of the
MOSFETSs). Again, the MOSFETSs are used as diodes in this configuration.
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Figure 18.37 Increased output voltage pump.

In the following description of circuit operation, we assume steady-state operation
with no DC load present. When CLK is low, point A is pulled, by M1, to ¥DD - V..
When CLK goes high, point A swings up to 2:VDD — V.. Diode M2 turns on, and point
B charges to 2-¥VDD — 2-V,,,,. When CLK goes low, CLK goes high and point B swings
up to 3-VDD — 2V, . When CIK goes low, point B swings back down to 2-VDD —
2-V,,x - This operation proceeds through the circuit to the last stage of the multiplier. The
output of the multiplier swings from (N+1)-VDD ~ N-V,,, down to N-VDD — N-V,, . C,
can be made larger than the other capacitors to reduce this ripple.

VDD
M1 ® o
MN
y M2 M3 M4 PP V out
of [H ] I
Cy
= C -— =-— C3 = Cnxa i
LKA
CLKLI g

Figure 18.38 N-stage voltage multiplier (the Dickson charge pump).
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Clock Driver with a Pumped Qutput Voltage

To fully turn on NMOS switches, a driver configuration is needed with a pulsed output
voltage greater than VDD + V,,, (with body effect). One such configuration is seen in
Fig. 18.39. When the input to the circuit is a logic low, the output of INV1 is a high and
the output of INV2 is a low. Node B in the figure is at roughly ¥DD, and node A is at
roughly 2VDD. M1 is off and M2 is on. The output of the driver is a logic low (ground).
When the input of the circuit goes high, the output of INV1 goes low. This causes node A
to go to ¥DD. The output of INV2 goes high, and node B boots up to 2VDD (M1 on M2
off). The output of the driver circuit then goes to 2VDD as well. Notice that one side of
the cross-coupled NMOS devices is sized smaller than the other side. This is to minimize
layout area and power (the charging and discharging of the parasitic capacitors doesn’t
waste power). Node A doesn’t supply any power to the output of the circuit. It is simply
used to turn M2 on so that node B is precharged to VDD when the input to the circuit is
low. A larger capacitor is used on node B because the charge that goes to load must be
supplied by this capacitor. If the output load capacitance gets large, then the size of this
capacitor must be increased. When designing the driver, it’s a good idea to characterize
the performance as a function of the load capacitance.

VDD VDD

Ml M2
20/1 100/1
Notice in

its own well.

100f 1,000f

100/50

100/50 100/1

Clock in Clock out
0T \PP 100/1 - -— 2¥DD
—— / - —\— -VDD
0
Figure 18.39 Charge-pump clock driver.
NMOS Clock Driver

Figure 18.40a shows an NMOS bootstrapped inverter. This circuit is useful to avoid
latch-up since an n-well isn't present. The pull-up device, Mpu, is made 4 times longer
than the pull-down device, Mpd, so that the output voltage can swing closer to ground.
The transistor, Mc, is used as a capacitor to "boot" the gate of Mpu above VDD so that it
can turn fully on and drive the output to ¥DD. Md is used as a diode, as in the other
charge pumps seen in this chapter, to ensure that the boot node doesn't drop below VDD —
Vv Note that this isn't a static circuit, that is, the input must be active else the high
output voltage is only VDD — 2V .. In order to avoid continuous current flow when both
Mpd and Mpu are conducting the NMOS "clock” driver (a buffer) seen in Fig. 18.40b can
be used. The 40/1 output devices are both actively driven.
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Boot nodes
,Liﬁ
Mpu, 10/4 (ﬁ

Boot node Out oL 1 4011
Mc, 10710 10/10
Mpd é_\_{ é—‘ ut
(a) Bootstrapped inverter

All unlabeled NMOS are 10/1 (b) NMOS clock driver 40n

Figure 18.40 NMOS drivers.

18.4.3 Example

A common application of a voltage generator in digital circuits is generating a negative
substrate bias; that is, instead of tying the substrate to ground, the substrate is held at
some negative voltage. Typically, this negative voltage is between —0.5 and -1 V.
“Pumping” the substrate negative is found in some DRAMs. A negative substrate bias has
several benefits. It (1) stabilizes n-channel threshold voltages, (2) increases latch-up
immunity after power up, (3) prevents forward biasing n+ to p-substrate pn junction, (4)
allows chip inputs to go negative without forward biasing a pn junction, (5) prevents
substrate from going locally above ground, (6) reduces depletion capacitances associated
with the n+ to p-substrate junction, and (7) reduces subthreshold leakage current.

A simple substrate pump is shown in Fig. 18.41. In this circuit we can use
n-channel MOSFETs to generate a negative potential, unlike Fig. 18.35, since the
negative voltage is connected to the substrate. In this situation, the drain/source implants
of the n-channel MOSFETs cannot become forward biased. Note the absence of the load
capacitance. It turns out that the capacitance of the substrate to everything else in the
circuit presents a very large capacitance to the pump. In other words, the substrate itself is
a very large capacitor.

to substrate, VBB

Figure 18.41 Simple substrate pump.

An example oscillator circuit that is used to drive the substrate pump is shown in
Fig. 18.42. This is a standard ring oscillator with a NAND gate to enable/disable the
oscillator. Capacitors are added at a few points in the middle of the oscillator to increase
the delay and lower the frequency of the oscillator so that the pump’s capacitors fully
charge.

The final component in a substrate pump is the regulator, a circuit that senses the
voltage on the substrate and enables or disables the substrate pump (the oscillator). Using
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Enable':D—{}... {>Oj_ Dc + Dc 0sC
L

Figure 18.42 Ring oscillator with enable.

a comparator with hysteresis, a precision voltage reference, and a level shifting circuit,
the enable signal can be generated with the circuit of Fig. 18.43. The hysteresis of the
comparator determines the amount of ripple on the substrate voltage. Forcing a constant
current through the two MOSFETs, M1 and M2, compels their source-gate voltages to
remain constant (note how the body effect is eliminated by using p-channel MOSFETs),
causing the MOSFETSs to behave as if they were batteries. The battery action of M1 and
M2 shifts the substrate voltage up so that it lies in the input range of the comparator. The
number of MOSFETs (in this case two) and the magnitude of the current / determine the
substrate voltage.

Enable

Comparator with hysteresis
M2

VBB =V,—2Vsc
Substrate, VBB

Figure 18.43 Regulator circuit used in substrate pump.

A simpler and less accurate implementation of the regulator is shown in Fig.
18.44. The comparator and voltage reference are implemented with an inverter and
MI1-M3. MOSFET M3 causes the inverter to have hysteresis, that is, behave like a
Schmitt trigger. MOSFETs M1 and M2 form an inverter with a switching point voltage of
approximately V. . The current source of Fig. 18.43 is implemented with the long L
MOSFET M4 in Fig. 18.44. The level shifting is performed with the n-channel
MOSFETs M5 and M6. When point A gets above a potential of V,, , the Enable output
goes high, causing the substrate pump to turn on and drive the substrate voltage negative.
When point A gets pulled, via the substrate voltage through M5 and M6, below V., the
Enable output goes low and the pump shuts off. The substrate voltage generated with this
circuit is approximately — ¥, with body effect.
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VDD M3
VDD Long L

TL"”“ ® — : {>o Enable
L

EMG

Substrate, VBB

Figure 18.44 Simpler substrate regulator.
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PROBLEMS

For the following problems use the short-channel CMOS process with a scale factor of 50
nm and a VDD of 1 V.

18.1

18.2

18.3

184

18.5
18.6

18.7

18.8

189

18.10

18.11

18.12

Design a Schmitt trigger with Vg, = 0.35 and V,, = 0.55 V. Use SPICE to verify
your design.

Estimate ¢,,, and ¢,,,, for the Schmitt trigger of Ex. 18.1, driving a 100 fF load
capacitance. Compare your hand calculations to simulation results.

Design and simulate the operation of a Schmitt trigger-based oscillator with an
output frequency of 10 MHz. Simulate the design using SPICE.

Estimate the total input capacitance on the control voltage input for the VCO
shown in Fig. 18.8.

Design an astable multivibrator with an output oscillation frequency of 20 MHz.

Design and simulate the operation of a one-shot that has an output pulse width of
100 ns. Comment on the maximum rate of retrigger and how ESD diodes
connected to bonding pads will affect the circuit operation if the resistor and
capacitor are bonded out.

Design and simulate a 100 MHz oscillator using the astable multivibrator in Fig.
18.11. Comment how process shifts in the resistor and capacitor affects the
oscillation frequency. If the resistor and capacitor are bonded out, will the ESD
diodes affect the circuit’s operation?

Using the buffer seen in Fig. 18.23 to drive a load capacitance of 100 fF, plot the
propagation delays against the Vinp input signal amplitude when Vinm is 250,
500, and 700 mV. (Vinp is centered around Vinm.)

The DC restore circuit seen in Fig. 18.28 has limitations, such as it stops working
if a long string of 1s or Os is applied to the input buffer or the input data moves
too quickly and the long RC time constants keep the DC restore output from
following the center of the data. Comment, with the help of SPICE simulation
results, on these limitations. Show how changing the values of the resistors and
capacitors can compensate for these limitations. (For example, using longer time
constants allows for longer strings of ones are zeroes before the DC restore signal
is invalid.)

Using the model for the transmission channel seen in Figs. 18.26 and 18.30, show
that the circuit in Fig. 18.32 will work as an input buffer. Using SPICE show the
limitations of the buffer (signal amplitude and speed). Also, comment on the
power pulled by the buffer.

Design a nominally 2 V voltage generator that can supply at most 1 pA of DC
current (2 MEG resistor). Simulate the operation of your design with SPICE.

Design and simulate the operation of a nominally —1 V substrate pump. Comment
on the design trade-offs.

IPR2023-00698
Theta EX2019



Chapter

19

Digital Phase-Locked Loops

The digital phase-locked loop, DPLL, is a circuit that is used frequently in modern
integrated circuit design. Consider the waveform and block diagram of a communication
system shown in Fig. 19.1. Digital data' is loaded into the shift register at the transmitting
end. The data is shifted out sequentially to the transmitter output driver. At the receiving
end, where the data may be analog (and, thus, without well-defined amplitudes) after
passing through the communication channel, the receiver amplifies and changes the data
back into digital logic levels. The next logical step in this sequence is to shift the data
back into a shift register at the receiver and process the received data. However, the
absence of a clock signal makes this difficult. The DPLL performs the function of
generating a clock signal, which is locked or synchronized with the incoming signal. The
generated clock signal of the receiver clocks the shift register and thus recovers the data.
This application of a DPLL is often termed a clock-recovery circuit or bit synchronization
circuit.

Transmitter Receiver
{ } ! !  Data ™\
Data ) 1
Driver Channel | Input amp
I !
1 1
Shift register | : : ’ Shift register
L |
System clock I / Epkpiph
Data out of shift Lo | Digital Clock out
register PLL of DPLL

Figure 19.1 Block diagram of a communication system using a DPLL
for the generation of a clock signal.

' While “data” is plural and “datum” is singular, we will not use, in this chapter, the
grammatically correct “data are” in favor of the colloquial “data is”.
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A more detailed picture of the incoming data and possible clock signals out of the
DPLL are shown in Fig. 19.2. The possible clock signals are labeled XOR clock and PFD
(phase frequency detector) clock, corresponding to the type of phase? detector (PD) used.
For the XOR PD, the rising edge of the clock occurs in the center of the data, while for
the PFD, the rising edge occurs at the beginning of the data. The phase of the clock signal
is determined by the PD used’.

A 0 1 0 1 0 1 0 1 0 1 0
data
XOR
clock
PED
clock
time

Figure 19.2 Data input to DPLL in lock and possible clock outputs using the
XOR phase detector and PFD.

A block diagram of a DPLL is shown in Fig. 19.3. The PD generates an output
signal proportional to the time difference between the data in and the divided down
clock, dclock. This signal is filtered by a loop filter. The filtered signal, V., is
connected to the input of a voltage-controlled oscillator (VCO). Each one of these blocks
is discussed in detail in the following sections. Once each block is understood, we will
put them together and discuss the operation of the DPLL.

Vepouts Veperi OF Ippy Vinvco
data in
¢data6 clock Phase detector t];ﬁ‘)p VCO Clock out
ter mrro
Divid
¢a’clack bl;]”Ne ¢clock
(counter)

Figure 19.3 Block diagram of a digital phase-locked loop.

? A more correct name for digital applications is time difference detector (TDD).

> The PFD is rarely used in clock recovery applications. Figure 19.2 simply illustrates the
different phase relations resulting from an XOR PD or PFD in a locked DPLL.
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19.1 The Phase Detector

The first component in our DPLL is the phase detector. The two types of phase detectors,
an XOR gate and a phase frequency detector (PFD), have significantly different
characteristics. It is therefore very important to understand their performance capabilities
and limitations. Selection of the type of phase detector is the first step in a DPLL design.

19.1.1 The XOR Phase Detector

The XOR PD is simply an exclusive OR gate. When the output of the XOR is a pulse
train with a 50% duty cycle (square wave), the DPLL is said to be in lock; or in other
words, the clock signal out of the DPLL is synchronized to the incoming data, provided
the following conditions are met. Consider the XOR PD shown in Fig. 19.4. Let’s begin
by assuming that the incoming data is a string of zeros and that a divide by two is used in
the feedback loop. The output of the phase detector is simply a replica of the dclock
signal. Since the delock signal has a 50% duty cycle, it would appear that the DPLL is in
lock. If a logic “1” is suddenly applied, there is no way to know if the clock signal is
synchronized (the clock rising edge coincides with the center of the data bit) to the data.
This leads to the first characteristic of an XOR PD;

1. The incoming data must have a minimum number of transitions over a given
time interval.

data dclock Out

0 0 0
data Out 0 1 1
dclock 1 0 1
1 i 0
data 0
VDD
clock 0
VDD
dclock 0
(clock + 2)

Figure 19.4 Operation of the XOR phase detector.

Now consider the situation when the output of the phase detector, with a string of
zeros as the data input, is applied to a simple RC low-pass filter (Fig. 19.5). If RC >>
period of the clock signal, the output of the filter is simply VDD/2. This leads to the
second characteristic of the XOR phase detector.

data R
o
: A%%A T Vou = ——VIZ)D
dclock g C

Figure 19.5 How the filtered output of the phase detector becomes VDD/2.
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2. With no input data, the filtered output of the phase detector is VDD/2.

The voltage out of the loop filter is connected to the input of the VCO, as seen in
Fig. 19.3. Consider the typical characteristics of a VCO shown in Fig. 19.6. The
frequency of the square wave output of the VCO is feener When V,, (= Veenrer) is VDD/2
(typically). The other two frequencies of interest are the minimum and maximum
oscillator frequencies, fmin and fmax possible, with input voltage Vmin and Viax ,
respectively. It is important that the VCO continues to oscillate with no input data.
Normally, the VCO is designed so that the nominal data input rate and the VCO center
frequency are the same. This minimizes the time it takes the DPLL to lock (and is critical
for proper operation of the XOR PD).

fclock
A

A
Vrenter
1

f max T
fcemer T
f min_

(
I
|
|
|
|
d
'
'
I
'
|
T

t t > Vin
V min VDD/2 Vmax

Figure 19.6 Output frequency of VCO versus input control voltage.

Now let’s consider an example input to the phase-detector and corresponding
output. The data shown in Fig. 19.7 is leading the dclock signal. The corresponding
output of the phase detector is also shown. If this output is applied to a low-pass filter, the
result is an average voltage less than ¥DD/2. This causes the VCO frequency to decrease
until the edge of the dclock is centered on the data.

data

dclock

=y uuuuyu
S I

Figure 19.7 Possible XOR phase-detector inputs and the resulting output.

—

v

time ~
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3. The time it takes the loop to lock depends on the data pattern input to the DPLL
and the loop-filter characteristics.

Since the output of the PD is averaged, or more correctly integrated, noise injected
into the data stream (a false bit) can be rejected. A fourth characteristic is:

4. The XOR DPLL has good noise rejection.

Another important characteristic of a DPLL is whether or not it will lock on a
harmonic of the input data. The XOR DPLL will lock on harmonics of the data. To prove
that this is indeed the case, consider replacing any of the clock signals of Figs. 19.2, 19.4,
or 19.7 with a clock at twice or half the frequency. The average of the waveforms will
remain essentially the same. A fifth characteristic of a DPLL using an XOR gate is:

5. The VCO operating frequency range should be limited to frequencies much less
than 2f, ., and much greater than 0.5f, , , where f,, ., is the nominal clock frequency for
proper lock with a XOR PD.

The loop filter used with this type of PD is a simple RC low-pass filter, as shown
in Fig. 19.5. Since the output of the PD is oscillating, the output of the filter shows a
ripple as well, even when the loop is locked. This modulates the clock frequency, an
unwanted characteristic of a DPLL using the XOR PD. This characteristic can be added
to our list:

6. A ripple on the output of the loop filter with a frequency equal to the clock
frequency modulates the control voltage of the VCO.

To characterize the phase detector (see Fig. 19.8), we can define the time
difference between the rising edge of the dclock and the beginning of the data as At. The
phase difference between the dclock and data, Gdara — Qdciock » is given by

At

A¢ = (bdata - ¢dclack = T -2n (radians) (191)

dclock

or, in terms of the DPLL output clock frequency,
Ap==BL op (19.2)

2T, clock

1
ﬁ'lock = = 2f dclock =
Tclack

19.3
Tdctock ( )

When the loop is locked, the clock rising edge is centered on the data; the time difference,
At, between the dclock rising edge and the beginning of the data is simply T, , /2 or T,
/4 (see Fig. 19.8c). Therefore, the phase difference between dclock and the data, under
locked conditions, may be written as

Ap= g (19.4)

Note that the phase difference between clock and data when in lock is ©. The average
voltage out of the phase detector (Fig. 19.8) may be expressed by

input

Ad -~
Vepou = VDD - — = Kpp- Ad (19.5)

where the gain of the PD may be written as
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VDD

Kpp=—%

(V/radians) (19.6)

As an aid in the understanding of these equations, consider the diagrams shown in
Fig. 19.8. If the edges of the clock and data are coincident in time (Fig. 19.8a), the XOR
output, V.., is 0 V and the phase difference is 0. The loop filter averages the output of
the PD and causes the VCO to lower its output frequency. This causes A¢ to increase,
thus increasing ¥, .. Depending on the selection of the loop filter, this increase could
cause the rising edges to increase beyond, or overshoot, the desirable center point, as
shown in Fig. 19.8b. In this case, the phase difference is —%Tc, and V,, ,, is %VDD. Figure
19.8c shows the condition when the loop is in lock and the phase difference is n/2.

V ppout average output over Tdclock

data
VPDout
dclock b AN

VDD/2
ettt >
Tetock g R 2n A(I) = ¢dala - ¢dclock
Tdelock
1 0 1 0 1 0
d’dala =0
data_| data_| data_|
dclock dclock L | dclock J
cloi‘ | clock ’— | l | clock u
T R —>
No phase difference Ddetock = ~270 Odetock =~

Oclock = =T

(2) ®) ©

Figure 19.8 XOR PD output for various inputs (assuming input data are
a string of alternating ones and zeros).

Here we should point out the importance of the VCO center frequency, f.,.... ,
being equal to the desired clock frequency. If £,.. = f.« » the VCO control voltage,
depending on the loop filter, will look similar to Fig. 19.9a during acquisition (the loop
trying to lock). If these frequencies are not equal, the control voltage will oscillate,
causing the clock to move, in time, around some other point than the center of the data bit
(Fig. 19.9b). The actual control voltages will look different from those portrayed in Fig.
19.9 because the VCO control voltage depends on the input data pattern, as discussed
earlier.
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Control voltage Control voltage
VDD VDD
2 2
! > 1 >
(a) time (b) time

Figure 19.9 Average output voltage of phase detector during acquisition.

To summarize the design criteria of the VCO with the XOR PD, we desire that:

1. The center frequency, £,

e » Should equal the clock frequency when the VCO
control voltage is VDD/2.

2. The maximum and minimum oscillation frequencies, f,. and £, , of the VCO

should be selected to avoid locking on harmonics of the input data.

3. The VCO duty cycle is 50%. If this is not the case, the DPLL will have
problems locking, or once locked the clock will jitter (move around in time).

in >

19.1.2 The Phase Frequency Detector

A schematic diagram of the phase frequency detector is shown in Fig. 19.10. The output
of the PFD depends on both the phase and frequency of the inputs. This type of phase
detector is also termed a sequential phase detector. It compares the leading edges of the
data and dclock. A dclock rising edge cannot be present without a data rising edge. To aid
in understanding the PFD, consider the examples shown in Fig. 19.11. The first thing we
notice is that the data pulse width and the dclock pulse width do not matter. If the rising
edge of the data leads the dclock rising edge (Fig. 19.11a), the “up” output of the phase
detector goes high, while the Down output remains low. This causes the dclock frequency
to increase, having the effect of moving the edges closer together. When the dclock signal
leads the data (Fig. 19.11b), Up remains low, while the Down goes high a time equal to
the phase difference between dclock and data. Figure 19.11c shows the condition of the
locked loop. Notice that, unlike the XOR PD, the outputs remain low when the loop is
locked. Again, several characteristics of the PFD can be described:

1. A rising edge from the dclock and data must be present when making a phase
comparison.

2. The widths of the dclock and the data are irrelevant.
3. The PFD will not lock on a harmonic of the data.

4. The outputs (Up and Down) of the PFD are both logic low when the loop is in
lock, eliminating ripple on the output of the loop filter.

5. This PFD has poor noise rejection; a false edge on either the data or the dclock
inputs drastically affects the output of the PFD.
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ngn D o Up
data Clk
Clr
Cilr
dclock Clk
npn
b Q Down

Figure 19.10 Phase frequency detector (PFD).

VDD for tristate
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0 for tristate _——>
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' 1 | | data
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|| || data
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| | 1| ldclock
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| ‘ | I dclock
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Figure 19.11 PFD phase-detector inputs and outputs.
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The output of the PFD should be combined into a single output for driving the
loop filter. There are two methods of doing this, both of which are shown in Fig. 19.12.
The first method is called a tri-state output. When both signals, Up and Down, are low,
both MOSFETs are off and the output is in a high-impedance state. If the Up signal goes
high, M2 turns on and pulls the output up to VDD, while if the Down signal is high, the
output is pulled low through M1. The main problem that exists with this configuration is
that power supply variations can significantly affect the output voltage when M2 is on.
The effect is to modulate the VCO control voltage. This wasn’t as big a problem when
the XOR PFD was used due to the averaging taking place.

The second configuration shown in this figure is the so-called charge pump. MOS
current sources are placed in series with M1 and M2. When the PFD Up signal goes high,
M2 turns on, connecting the current source to the loop filter. Because the current source
can be made insensitive to supply variations, modulation of the VCO control voltage is
absent.

VDD

VDD
U
p‘{>o—c; M2 Up >0 q
Vepwi Ippy
Down I M Down
Tristate

Charge pump
(@ (®)

Figure 19.12 (a) Tri-state and (b) charge pump outputs of the PFD.

We can characterize the PFD in much the same manner as we did the XOR PD.
We will assume that £, , and f,, , are equal in this analysis. Therefore, the feedback loop,
Fig. 19.3, divides by one (V= 1). If we again assume that the time difference between the
rising edges of the data and dclock is labeled At and the time between leading edges of
the clock (or the time differences between the leading edges of the data since we must
have both leading edges present to do a phase comparison) is labeled T, , then we can
write the phase (T, = T,..,..) a5

At
T, clock

Adp= - 21 (radians) (19.7)

The phase difference, A, is zero when the loop is in lock. The output voltage of the PFD
using the tri-state output configuration (see Fig. 19.11) is

Veor =200 A0 = Koo+ 59 (198)
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where the gain is,
Kpowi = % (volts/radian) (19.9)

If the output of the PFD uses the charge-pump configuration, the output current can be
written (again see Fig. 19.11) as

T —(—1pu
IPD1=MM'A¢=KPDI‘A¢ (19.10)
where
1,
Kppr = pz'"p (amps/radian) (19.11)

The loop filters used with tri-state and the charge-pump outputs are shown in Fig. 19.13.
The first loop filter has a transfer function given by
1 +jwR,C

———————— Vppui =Kr - Vppei 19.
1+j0)(R]+R2)C PD1 F PDrr ( 912)

Viavco =
The charge-pump loop-filter transfer function is given (noting the input variable is a
current while the output is a voltage) by
1+joRC

JO(C1+C2) [ 1+joRECE ]

Vinvco = Ippr - =Kr-Ipps (19.13)

To qualitatively understand how these loop filters work, let’s begin by considering
the loop filter for use with the tri-state output. For slow variations in the phase difference,
the filter acts like an integrator averaging the output of the PD. For fast variations,
however, the filter looks like a resistive divider without any integration. This allows the
loop filter to track fast variations in the time difference between the rising edges. A
similar discussion can be made for the loop filter used with the charge pump. For slow
variations in the phase, the current, I, linearly charges C, and C,. This gives an
averaging effect. For fast variations, the charge pump simply drives the resistor R
(assuming C, is small), eliminating the averaging and allowing the VCO to track quickly
moving variations in the input data.

R 1 ey
Vepiri VW 1 Vinvco

Viavco
C In _L C
In from charge-pump %

from tristate h
ase detector
phase detector R, P

(a)

Figure 19.13 Loop filters for (a) tristate output and (b) charge-pump output.
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The design requirements of the VCO used with the PFD can be much more
relaxed than those for the XOR PD; therefore, it is preferred over the XOR PD. Because
the output of the PD can be a voltage from 0 to ¥DD, the requirement that £ =1, . is
not present, although it is still a good idea to design the VCO so that this is true. The
oscillation range, f . — f. ., is not limited by the harmonics of £, , because the PFD will
not lock on a harmonic of the clock frequency. The VCO clock duty cycle is irrelevant
with the PFD because the PD looks only at rising edges. In high-speed or data
communications applications, however, one may be forced to use the XOR PD.

19.2 The Voltage-Controlled Oscillator

The gain of the voltage-controlled oscillator is simply the slope of the curves given in Fig.
19.6. This gain can be written as

f max _f min
Vmax - Vmin

wer» 18 related to the VCO input voltage (see Fig. 19.6) by

Kyco =2n- (radians/s - V) (19.14)

The VCO output frequency, £,

ci

Dclock = 2T 'fclack =Kvyco * Vinvco + @0 (radians/s) (19]5)

where o, is a constant. However, the variable we are feeding back is not frequency but
phase (hence the name of the circuit). The phase of the VCO clock output is related to

Jotoet BY

¢cIock = Imclock -dt= [i’;;:o * VinVCO (radians) (1916)

where this signal can be related to the §geiocx by
¢dclack = % . ¢clock = B : ¢clock (1917)

where N is the divide by count and § is the feedback factor.
19.2.1 The Current-Starved VCO

The current-starved VCO is shown schematically in Fig. 19.14. Its operation is similar to
the ring oscillator discussed earlier. MOSFETs M2 and M3 operate as an inverter, while
MOSFETs M1 and M4 operate as current sources. The current sources, M1 and M4, limit
the current available to the inverter, M2 and M3; in other words, the inverter is starved
for current. The drain currents of MOSFETs M5 and M6 are the same and are set by the
input control voltage. The currents in M5 and M6 are mirrored in each inverter/current
source stage. An important property of the VCO used in any of the CMOS DPLLs
discussed in this chapter is the input impedance. The filter configurations we have
discussed rely on the fact that the input resistance of the VCO is practically infinite and
the input capacitance is small compared to the capacitances present in the loop filter.
Attaining infinite input resistance .is usually an easy part of the design. For the
charge-pump configuration, the input capacitance of the VCO can be added to C,.

To determine the design equations for use with the current-starved VCO, consider
the simplified schematic of one stage of the VCO shown in Fig. 19.15. The total
capacitance on the drains of M2 and M3 is given by
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C
Cout ,—..»m—‘

—
Ciot = Cou+Cin= Clu(WpLp+ WaL,) + %C{,,(W,,L,, +WaLy) (19.18)

which is simply the output and input capacitances of the inverter. This equation can be
written in a more useful form as

Cuon=2CLu(WyLy + WaLn) (19.19)
The time it takes to charge C,,, from zero to Vg, with the constant-current /7, is given by
f=Cu- 252 (19.20)

Ips

while the time it takes to discharge C,, from VDD to ¥V, is given by

VDD —Vgsp
Ip

when V., = VDD/2), then the sum of

ty=Crot- (19.21)

If we set I, = I, = I,, (which we will label I,
t, and ¢, is simply

center

Ciot - VDD
Ip

The oscillation frequency of the current-starved VCO for N (an odd number > 5) of stages
is

1 +hHh = (19.22)

/S S — |
T N(ti+t;) N-Cui- VDD

which is =fcenter(@ Vin vco = VDD/2 and ID = IDcenter)

(19.23)

VDD VDD
9 9
\1 Mé
Osc out
e Do
Vinvco |[ M5 I

Figure 19.14 Current-starved VCO.
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Figure 19.15 Simplified view of a single stage of the current-starved VCO.
Equation (19.23) gives the center frequency of the VCO when I, = I, ... The
VCO stops oscillating, neglecting subthreshold currents, when V., < V;,,. Therefore,
we can define

Viin = Vrew and frin = 0 (19.24)

The maximum VCO oscillation frequency, f, .. , is determined by finding I, when V., =

VDD. At the maximum frequency then, V, = VDD.

The output of the current-starved VCO shown in Fig. 19.14 is normally buffered
through one or two inverters. Attaching a large load capacitance on the output of the
VCO can significantly affect the oscillation frequency or lower the gain of the oscillator
enough to kill oscillations altogether.

The average current drawn by the VCO is

VDD - Cio

Iavg=N‘ T

=N-VDD - Cior fose (19.25)

or
Loy =1Ip (19.26)

The average power dissipated by the VCO is
Pavg=VDD 1o =VDD-Ip (19.27)

If we include the power dissipated by the mirror MOSFETSs, MS and M6, the power is
doubled from that given by Eq. (19.27), assuming that I,, = I, = I,.. For low-power
dissipation we must keep I, low, which is equivalent to stating that for low-power
dissipation we must use a low-oscillation frequency.

Example 19.1
Design a current-starved VCO with £,
Simulate the design using SPICE.

= 100 MHz in the short-channel process.

enter

We begin by calculating the total capacitance, C,,. Using Eq. (19.19) and

assuming the inverters, M2 and M3, are sized for equal drive, that is, L, = L, = 1,
W =10 and Wp = 20, the capacitance is
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scale factor
——h—

Cor=2-252E.(10-1+20-1)0.050 pm)?= 4.7 fF
2

Let’s use a center drain current of 10 pA based on the I, - ¥ characteristics of
the MOSFETs. The selection of this current is important. We want, when V., is
VDD/2, the oscillation frequency to be 100 MHz. Here, just to show the design
procedure, we will simply adjust the ¥, ., to set the 100 MHz output frequency.

The number of stages, using Eq. (19.23), is given by

N: ID = IOPA z21
Josc*Cuot - VDD 100 MHz -47fF-1V

The simulation results are shown in Fig. 19.16. For an output frequency of 100
MHz, the input voltage, V., , was set to 450 mV. The big problem with this
design is that the output oscillation frequency is not linearly related to the control
voltage (easy to verify using the simulation that generated Fig. 19.16). Having a
nonlinear VCO gain can greatly reduce the quality of the performance of the
DPLL (this is important). The output of the phase-locked loop can jitter (move
around) or may not lock at all when the VCO gain is nonlinear. B

] I
. L |

0.0 10.0 20.0 30.0 40.0 §90.0
tine nS

Figure 19.16 Output of the oscillator designed in Ex. 19.1.

Linearizing the VCO'’s Gain

After studying Fig. 19.14, we see that applying V, ., directly to the gate of M5 causes the
current in M5 (and M6) to be nonlinear. In the long-channel case the drain current of a
MOSFET is related to the square of the MOSFET’s V. To make the current in a
MOSFET linearly related to the VCO’s input voltage, consider the circuit seen in Fig.
19.17. The width of M5R is made wide so that its V' is always (independent of V ,,)
approximately V.. Note that the current in M6R is mirrored over to M6 and M5 to
control the current used in the current-starved VCO. Figure 19.18 shows the output of the
oscillator (and its transfer curves) in Fig. 19.16 if the linearizing scheme in Fig. 19.17 is
used with R of 10k and a wide device (M5R) with a size of 100/1. The gain of the VCO is
Kvco =2 - 25MHz/100mV = 1.57 x 10° radians/V-s. We’ll use this VCO in examples
later in this chapter. Note that the gain of this V'CO is rather high. A 10 mV voltage
variation in V, ., gives a 2.5 MHz variation in the output frequency (e.g., the output
frequency varies from 100 to 102.5 MHz). In the time domain, the variation in the period
(jitter) is then 1/100 MHz-1/102.5 MHz =244 ps (roughly 2.5% of the ideal 10 ns
period). For any low jitter PLL design, a VCO with low gain must be used.

IPR2023-00698
Theta EX2019



Chapter 19 Digital Phase-Locked Loops 565
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Figure 19.17 Linearizing the current in a current-starved VCO.

. - oses MHz
1.5 A

150+

\ [ 125+
05 100+
B BRI !
50 +

Kvco = 1.57 x 10° radians/V - s

3>

0.0 10.0 20.0 30.0 40.0 50.0

Il I | 1 i
- 03 04 05 06 07 V,yeo

Figure 19.18 Gain of the VCO in Fig. 19.16 after linearizing with Fig. 19.17.

19.2.2 Source-Coupled VCOs

Another variety of VCO, source-coupled VCOs, is shown in Fig. 19.19. These VCOs can
be designed to dissipate less power than the current-starved VCO of the last section for a
given frequency. The major disadvantage of these configurations is the need for a
capacitor, something that may not be available in a single-poly pure digital process
without using parasitics for example, a metall to metal2 capacitor, and a reduced output
voltage swing. However, this configuration is useful when the VCO center frequency is
set by an external capacitor; that is, the capacitor shown in the figure is bonded out.

To understand the operation, let’s consider the NMOS source-coupled VCO of
Fig. 19.19a. The operation of the CMOS source-coupled VCO of Fig. 19.19b is identical
to (a) except for the fact that the load MOSFETs M3 and M4 pull the outputs to VDD —
Vo (for the NMOS-load VCO) and VDD (for the PMOS-load VCO). The buffer in Fig.
18.17 of the last chapter can be used to restore full logic levels.
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VDD M3 and M4 are long L MOSFETs. VDD
. . JUL w @ ﬁ a
Output Output / Output Output
oA s, P
~ C C
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v [ I e ' [ I M6
in¥CO I M5 l VznVCO l M5 |
(a) NMOS (b) CMOS

Figure 19.19 Source coupled voltage-controlled oscillators (also known
as source coupled multivibrators).

For the circuit in Fig. 19.19a, MOSFETs M5 and M6 behave as constant-current
sources sinking a current J,,, MOSFETs M1 and M2 operate as switches. If M1 is off and
M2 is on, the drain of M1 is pulled to ¥DD — V,,,, by M3. Since the gate of M2 is at VDD
— Vi » the source and drain (the Outpuf) of M2 are approximately VDD —2-V,,,. . This is
the minimum output voltage. The output voltage swing is limited to V,,. A simplified
schematic shown in Fig. 19.20 with M1 off and M2 on is helpful in determining the
oscillator frequency. The Output gate of M1 is approximately VDD — 2-V,,,., and is held at
this voltage through M2 until M1 turns on and M2 turns off. Initially, at the moment
when M1 turns off and M2 turns on, point X is VDD — V.. The current through C, I,,,
causes point X to discharge down toward ground. When point X gets down to VDD —
3V 5w » M1 turns on and M2 turns off. In other words, the voltage at point X changed a

Output
M1 (off) M2 (on)
c l 21p
X { } Y
¢ Note: C should be
In laid out with the
Ip Ip same parasitic

capacitance at X

%7 and Y.

Figure 19.20 Simplified schematic of source coupled oscillator, M1 is on and M2 is off.
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total of 2-V,,,, before switching took place. The time it takes point X to change 2-V,,,, is
given by

At=c. 2V (19.28)
Ip

Since the circuit is symmetrical, two of these discharge times are needed for each cycle of
the oscillation. The frequency of oscillation is given by

1
fasc='—1‘=——D—
20t 4-C-Vn

The waveforms at the points X, Y, and Output are shown in Fig. 19.21 for continuous
time operation.

(19.29)

A M2on . Mlon . M2on . Ml on

Mloff | M2off | Mloff ‘ M2 off
o o © | ° «— VDDV

Qutput l I | |
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Figure 19.21 Voltage waveforms for the NMOS source-coupled VCO.
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19.3 The Loop Filter

The loop filter is the brain of the DPLL. In this section, we discuss how to select the
loop-filter values in order to keep the DPLL from oscillating (i.e., keep the V, ., voltage
from oscillating, causing the frequency out of the VCO to wander). If the loop-filter
values are not selected correctly, it may take the loop too long to lock, or once locked,

small variations in the input data may cause the loop to unlock.

In the following discussion, we will be concerned with the pull-in range and the
lock range. The pull-in range, + Awp, is defined as the range of input frequencies that the
DPLL will lock to. The time it takes the loop to lock is labeled 7, and can be a very long
time. If the center frequency of the DPLL is 10 MHz and the pull-in range is 1 MHz, the
DPLL will lock on an input frequency from 9 to 11 MHz in a time 7, (assuming N = 1).
The lock range, +®;, is the range of frequencies in which the DPLL locks within one
single beat note between the divided down output (dclock) and input (data) of the DPLL.
The operating frequency of the DPLL should be limited to the lock range for normal
operation. Once the DPLL is locked, it will remain locked as long as abrupt frequency
changes, Aw, in the input frequency (input frequency steps) over a time interval ¢ are
much smaller than the natural frequency of the system squared, that is, Aw/t < @2 .
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19.3.1 XOR DPLL

Consider the block diagram of the DPLL using the XOR DPLL shown in Fig. 19.22. The
phase transfer function (neglecting the static or DC behavior) is given by
KppKrKyco

¢clock
H(s)= = 19.30
©) data S+ P - KppKrKvco ( )

with s = jo and the feedback factor, B3, is

-1
= v (19.31)
The transfer function of the loop filter is given by
-1 __1
Kr= 1+/oRC ~ 1+sRC (19.32)
Substituting Egs. (19.31) and (19.32) into Eq. 19.30 yields
KrpKveo - ——
H(s)= etock _ 1PD yco 1+sRCl (19.33)
¢dula S+X,'KPDKVCO'm
This is a second-order system. H(s) can be rewritten as
KepKyco )
H(s) = — RIC — Jetock _ (Kyco Vx}VCO)/ZTC +fo (19.34)
5° 4+ xc + R 7 fdata data

since jo-¢ =f . The natural frequency, w,, of this system is given by

_ |KppKyco
W, = /——N‘RC (19.35)
and the damping ratio, &, is given by

| ﬁl./ N
C - ZRC(D,, - 2 KpDKVCO -RC (1936)

The pull-in range is given by

Awp = —2’! - J260aKvcoKpp — 02 (19.37)

" Kr 1
data i ‘
data Vepour | R  Vinvco Veo S
20 Kep W ol Kvcols etoct
dclock ——> i g i
i |
Divider
B

¢dc[uck = %d’clack

Figure 19.22 Block diagram of a DPLL using a XOR phase detector

IPR2023-00698
Theta EX2019



Chapter 19 Digital Phase-Locked Loops 569

while the pull-in time is given by

Tr== o (19.38)
The lock range of the loop is given by

Ao, = Lo, =2 Rl—c— (19.39)
while the lock time is

P (19.40)

Probably the best way to understand how these equations affect the performance of a
DPLL is through an example.

Example 19.2

Design and simulate the operation of a DPLL with the topology seen in Fig. 19.22
using the VCO from Fig. 19.18. Assume that the input data rate is 100 Mbits/s
and has a format as in Fig. 19.7 (so the DPLL’s output is a 100 MHz square
wave).

Let’s start off by drawing the schematic of the XOR phase detector, Fig. 19.23,
and the divide by two circuit, Fig. 19.24. Notice that the XOR gate won’t have
zero output resistance, so the value of R used in the loop filter may need to be
modified accordingly. The divide by two circuit is implemented using true single
phase logic.

To calculate the values for the loop filter, let’s write the gain of the VCO in
Fig. 19.18 as

VDD VDD

Kyco = 1.57 x 10° radians/V - s
dclock_q

VDD
datiq
data datai
da’i’d dclocﬁq
VDD
data;* da@{
dclock { dclocki dc]oi* dclo@{

Figure 19.23 XOR phase detector.

PD _out
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VDD VDD VDD
q clock _d
dclock
clock C| | clock| | 1L I 1 delock
| |
M L L L clock

Figure 19.24 A divide by two circuit using true single phase clocking (TSPC) logic.

and the gain of the XOR phase detector

Ko = Y22 _ L (viragians)

Let’s begin by setting the damping ratio £ to 1. Using Eq. (19.36) results in

1| 2
l== [——%——— 3 RC=500ps
2 4 1.(1.57x10%RC P

clearly not practical! We must reduce the gain of the VCO. This means the VCO
output frequency range must be reduced. The problem with reducing the output
frequency range is that it becomes very difficult to fabricate the VCO in CMOS at
the precise center oscillation frequency. Nonetheless, let’s modify the VCO from
Fig. 19.18 so that the output frequency range is limited.

Consider the schematic seen in Fig. 19.25 of the current generator portion of

the VCO (see Fig. 19.17). Here, we’ve added a resistor to set the lower frequency
range of the VCO (which makes the VCO very dependent on the power supply
voltage). The range is still set by MSR. However, now we’ve increased the value
of the resistor to limit the VCO’s output frequency range. The resulting VCO

gain, with the values seen in Fig. 19.25, appears in Fig. 19.26. Using this modified
VCO gain in the above equation gives

RC=5ns

The natural frequency of the second-order system is, from Eq. (19.36),

1

=—= 6 i
2RCC 100 x 10° radians/s

Oy

The lock range is

Aoy, = nb®, = 314 x 10° radians/s or Af; = 50 MHz

which is outside the VCO operating range. Therefore, this DPLL will lock over
the entire VCO operating range, that is, from 95 to 105 Mbits/s. We do not need

IPR2023-00698
Theta EX2019



	CMOS Circuit Design, Layout, and Simulation
	Contents
	Preface
	Chapter 1 Introduction to CMOS Design
	1.1 The CMOS IC Design Process
	1.1.1 Fabrication
	Layout and Cross-Sectional Views

	1.2 CMOS Background
	The CMOS Acronym
	CMOS Inverter
	The First CMOS Circuits
	Analog Design in CMOS

	1.3 An Introduction to SPICE
	Generating a Netlist File
	Operating Point
	Transfer Function Analysis
	The Voltage-Controlled Voltage Source
	An Ideal Op-Amp
	The Subcircuit
	DC Analysis
	Plotting IV Curves
	Dual Loop DC Analysis
	Transient Analysis
	The SIN Source
	An RC Circuit Example
	Another RC Circuit Example
	AC Analysis
	Decades and Octaves
	Decibels
	Pulse Statement
	Finite Pulse Rise time
	Step Response
	Delay and Rise time in RC Circuits
	Piece-Wise Linear (PWL) Source
	Simulating Switches
	Initial Conditions on a Capacitor
	Initial Conditions in an Inductor
	Q of an LC Tank
	Frequency Response of an Ideal Integrator
	Unity-Gain Frequency
	Time-Domain Behavior of the Integrator
	Convergence
	Some Common Mistakes and Helpful Techniques


	Chapter 2 The Well
	The Substrate (The Unprocessed Wafer)
	A Parasitic Diode
	Using the N-well as a Resistor
	2.1 Patterning
	2.1.1 Patterning the N-well

	2.2 Laying Out the N-well
	2.2.1 Design Rules for the N-well

	2.3 Resistance Calculation
	Layout of Corners
	2.3.1 The N-well Resistor

	2.4 The N-well/Substrate Diode
	2.4.1 A Brief Introduction to PN Junction Physics
	Carrier Concentrations
	Fermi Energy Level

	2.4.2 Depletion Layer Capacitance
	2.4.3 Storage or Diffusion Capacitance
	2.4.4 SPICE Modeling

	2.5 The RC Delay through the N-well
	RC Circuit Review
	Distributed RC Delay
	Distributed RC Rise Time

	2.6 Twin Well Processes
	Design Rules for the Well
	SEM Views of Wells


	Chapter 3 The Metal Layers
	3.1 The Bonding Pad
	3.1.1 Laying Out the Pad I
	Capacitance of Metal-to-Substrate
	Passivation
	An Important Note


	3.2 Design and Layout Using the Metal Layers
	3.2.1 Metal1 and Via1
	An Example Layout

	3.2.2 Parasitics Associated with the Metal Layers
	Intrinsic Propagation Delay

	3.2.3 Current-Carrying Limitations
	3.2.4 Design Rules for the Metal Layers
	Layout of Two Shapes or a Single Shape
	A Layout Trick for the Metal Layers

	3.2.5 Contact Resistance

	3.3 Crosstalk and Ground Bounce
	3.3.1 Crosstalk
	3.3.2 Ground Bounce
	DC Problems
	AC Problems
	A Final Comment


	3.4 Layout Examples
	3.4.1 Laying Out the Pad II
	3.4.2 Laying Out Metal Test Structures
	SEM View of Metal



	Chapter 4 The Active and Poly Layers
	4.1 Layout Using the Active and Poly Layers
	The Active Layer
	The P- and N-Select Layers
	The Poly Layer
	Self-Aligned Gate
	The Poly Wire
	Suicide Block
	4.1.1 Process Flow
	Damascene Process Steps


	4.2 Connecting Wires to Poly and Active
	Connecting the P-Substrate to Ground
	Layout of an N-Well Resistor
	Layout of an NMOS Device
	Layout of a PMOS Device
	A Comment Concerning MOSFET Symbols
	Standard Cell Frame
	Design Rules

	4.3 Electrostatic Discharge (ESD) Protection
	Layout of the Diodes


	Chapter 5 Resistors, Capacitors, MOSFETs
	5.1 Resistors
	Temperature Coefficient (Temp Co)
	Polarity of the Temp Co
	Voltage Coefficient
	Using Unit Elements
	Guard Rings
	Interdigitated Layout
	Common-Centroid Layout
	Dummy Elements

	5.2 Capacitors
	Layout of the Poly-Poly Capacitor
	Parasitics
	Temperature Coefficient (Temp Co)
	Voltage Coefficient

	5.3 MOSFETs
	Lateral Diffusion
	Oxide Encroachment
	Source/Drain Depletion Capacitance
	Source/Drain Parasitic Resistance
	Layout of Long-Length MOSFETs
	Layout of Large-Width MOSFETs
	A Qualitative Description of MOSFET Capacitances

	5.4 Layout Examples
	Metal Capacitors
	Polysilicon Resistors


	Chapter 6 MOSFET Operation
	6.1 MOSFET Capacitance Overview/Review
	Case I: Accumulation
	Case II: Depletion
	Case III: Strong Inversion
	Summary

	6.2 The Threshold Voltage
	Contact Potentials
	Threshold Voltage Adjust

	6.3 IV Characteristics of MOSFETs
	6.3.1 MOSFET Operation in the Triode Region
	6.3.2 The Saturation Region
	Cgs Calculation in the Saturation Region


	6.4 SPICE Modeling of the MOSFET
	Model Parameters Related to VTHN
	Long-Channel MOSFET Models
	Model Parameters Related to the Drain Current
	SPICE Modeling of the Source and Drain Implants
	Summary
	6.4.1 Some SPICE Simulation Examples
	Threshold Voltage and Body Effect

	6.4.2 The Subthreshold Current

	6.5 Short-Channel MOSFETs
	Hot Carriers
	Lightly Doped Drain (LDD)
	6.5.1 MOSFET Scaling
	6.5.2 Short-Channel Effects
	Negative Bias Temperature Instability (NBTI)
	Oxide Breakdown
	Drain-Induced Barrier Lowering
	Gate-Induced Drain Leakage
	Gate Tunnel Current

	6.5.3 SPICE Models for Our Short-Channel CMOS Process
	BSIM4 Model Listing (NMOS)
	BSIM4 Model Listing (PMOS)
	Simulation Results



	Chapter 7 CMOS Fabrication
	7.1 CMOS Unit Processes
	7.1.1 Wafer Manufacture
	Metallurgical Grade Silicon (MGS)
	Electronic Grade Silicon (EGS)
	Czochralski (CZ) Growth and Wafer Formation

	7.1.2 Thermal Oxidation
	7.1.3 Doping Processes
	Ion Implantation
	Solid State Diffusion

	7.1.4 Photolithography
	Resolution
	Depth of Focus
	Aligning Masks

	7.1.5 Thin Film Removal
	Thin Film Etching
	Wet Etching
	Dry Etching
	Chemical Mechanical Polishing

	7.1.6 Thin Film Deposition
	Physical Vapor Deposition (PVD)
	Chemical Vapor Depositon (CVD)


	7.2 CMOS Process Integration
	FEOL
	BEOL
	CMOS Process Description
	7.2.1 Frontend-of-the-Line Integration
	Shallow Trench Isolation Module
	Twin Tub Module
	Gate Module
	Source/Drain Module

	7.2.2 Backend-of-the-Line Integration
	Self-Aligned Silicide (Salicide) Module
	Pre-Metal Dielectric
	Contact Module
	Metallization 1
	Intra-Metal Dielectric 1 Deposition
	Via 1 Module
	Metallization 2
	Additional Metal/Dieletric Layers
	Final Passivation


	7.3 Backend Processes
	Wafer Probe
	Die Separation
	Packaging
	Final Test and Burn-In

	7.4 Summary

	Chapter 8 Electrical Noise: An Overview
	8.1 Signals
	8.1.1 Power and Energy
	Comments

	8.1.2 Power Spectral Density
	Spectrum Analyzers


	8.2 Circuit Noise
	8.2.1 Calculating and Modeling Circuit Noise
	Input-Referred Noise I
	Noise Equivalent Bandwidth
	Input-Referred Noise in Cascaded Amplifiers
	Calculating Vonoise, RMS from a Spectrum: A Summary

	8.2.2 Thermal Noise
	8.2.3 Signal-to-Noise Ratio
	Input-Referred Noise II
	Noise Figure
	An Important Limitation of the Noise Figure
	Optimum Source Resistance
	Simulating Noiseless Resistors
	Noise Temperature
	Averaging White Noise

	8.2.4 Shot Noise
	8.2.5 Flicker Noise
	8.2.6 Other Noise Sources
	Random Telegraph Signal Noise
	Excess Noise (Flicker Noise)
	Avalanche Noise


	8.3 Discussion
	8.3.1 Correlation
	Correlation of Input-Referred Noise Sources
	Complex Input Impedance

	8.3.2 Noise and Feedback
	Op-Amp Noise Modeling

	8.3.3 Some Final Notes Concerning Notation


	Chapter 9 Models for Analog Design
	9.1 Long-Channel MOSFETs
	9.1.1 The Square-Law Equations
	PMOS Square-Law Equations
	Qualitative Discussion
	Threshold Voltage and Body Effect
	Qualitative Discussion
	The Triode Region
	The Cutoff and Subthreshold Regions

	9.1.2 Small Signal Models
	Transconductance
	AC Analysis
	Transient Analysis
	Body Effect Transconductance, gmb
	Output Resistance
	MOSFET Transition Frequency, fT
	General Device Sizes for Analog Design
	Subthreshold gm and VTHN

	9.1.3 Temperature Effects
	Threshold Variation and Temperature
	Mobility Variation with Temperature
	Drain Current Change with Temperature


	9.2 Short-Channel MOSFETs
	9.2.1 General Design (A Starting Point)
	Output Resistance
	Forward Transconductance
	Transition Frequency

	9.2.2 Specific Design (A Discussion)

	9.3 MOSFET Noise Modeling
	Drain Current Noise Model


	Chapter 10 Models for Digital Design
	Miller Capacitance
	10.1 The Digital MOSFET Model
	Effective Switching Resistance
	Short-Channel MOSFET Effective Switching Resistance

	10.1.1 Capacitive Effects
	10.1.2 Process Characteristic Time Constant
	10.1.3 Delay and Transition Times
	10.1.4 General Digital Design

	10.2 The MOSFET Pass Gate
	The PMOS Pass Gate
	10.2.1 Delay through a Pass Gate
	The Transmission Gate (The TG)

	10.2.2 Delay through Series-Connected PGs

	10.3 A Final Comment Concerning Measurements

	Chapter 11 The Inverter
	11.1 DC Characteristics
	Noise Margins
	Inverter Switching Point
	Ideal Inverter VTC and Noise Margins

	11.2 Switching Characteristics
	The Ring Oscillator
	Dynamic Power Dissipation

	11.3 Layout of the Inverter
	Latch-Up

	11.4 Sizing for Large Capacitive Loads
	Buffer Topology
	Distributed Drivers
	Driving Long Lines

	11.5 Other Inverter Configurations
	NMOS-Only Output Drivers
	Inverters with Tri-State Outputs
	Additional Examples


	Chapter 12 Static Logic Gates
	12.1 DC Characteristics of the NAND and NOR Gates
	12.1.2 DC Characteristics of the NOR Gate
	A Practical Note Concerning VSP and Pass Gates


	12.2 Layout of the NAND and NOR Gates
	12.3 Switching Characteristics
	Parallel Connection of MOSFETs
	Series Connection of MOSFETs
	12.3.1 NAND Gate
	Quick Estimate of Delays

	12.3.2 Number of Inputs

	12.4 Complex CMOS Logic Gates
	Cascode Voltage Switch Logic
	Differential Split-Level Logic
	Tri-State Outputs
	Additional Examples


	Chapter 13 Clocked Circuits
	13.1 The CMOS TG
	Series Connection of TGs

	13.2 Applications of the Transmission Gate
	Path Selector
	Static Circuits

	13.3 Latches and Flip-Flops
	Basic Latches
	An Arbiter
	Flip-Flops and Flow-through Latches
	An Edge-Triggered D-FF
	Flip-Flop Timing

	13.4 Examples

	Chapter 14 Dynamic Logic Gates
	14.1 Fundamentals of Dynamic Logic
	14.1.1 Charge Leakage
	14.1.2 Simulating Dynamic Circuits
	14.1.3 Nonoverlapping Clock Generation
	14.1.4 CMOS TG in Dynamic Circuits

	14.2 Clocked CMOS Logic
	Clocked CMOS Latch
	An Important Note
	PE Logic
	Domino Logic
	NP Logic (Zipper Logic)
	Pipelining


	Chapter 15 VLSI Layout Examples
	15.1 Chip Layout
	Regularity
	Standard Cell Examples
	Power and Ground Considerations
	An Adder Example
	A4-to-1 MUX/DEMUX

	15.2 Layout Steps by Dean Moriarty
	Planning and Stick Diagrams
	Device Placement
	Polish
	Standard Cells Versus Full-Custom Layout


	Chapter 16 Memory Circuits
	16.1 Array Architectures
	16.1.1 Sensing Basics
	NMOS Sense Amplifier (NSA)
	The Open Array Architecture
	PMOS Sense Amplifier (PSA)
	Refresh Operation

	16.1.2 The Folded Array
	Layout of the DRAM Memory Bit (Mbit)

	16.1.3 Chip Organization

	16.2 Peripheral Circuits
	16.2.1 Sense Amplifier Design
	Kickback Noise and Clock Feedthrough
	Memory
	Current Draw
	Contention Current (Switching Current)
	Removing Sense Amplifier Memory
	Creating an Imbalance and Reducing Kickback Noise
	Increasing the Input Range
	Simulation Examples

	16.2.2 Row/Column Decoders
	Global and Local Decoders
	Reducing Decoder Layout Area

	16.2.3 Row Drivers

	16.3 Memory Cells
	16.3.1 The SRAM Cell
	16.3.2 Read-Only Memory (ROM)
	16.3.3 Floating Gate Memory
	The Threshold Voltage
	Erasable Programmable Read-Only Memory
	Two Important Notes
	Flash Memory



	Chapter 17 Sensing Using ΔΣ Modulation
	17.1 Qualitative Discussion
	17.1.1 Examples of DSM
	The Counter
	Cup Size
	Another Example

	17.1.2 Using DSM for Sensing in Flash Memory
	The Basic Idea
	The Feedback Signal
	Incomplete Settling


	17.2 Sensing Resistive Memory
	The Bit Line Voltage
	Adding an Offset to the Comparator
	Schematic and Design Values
	A Couple of Comments

	17.3 Sensing in CMOS Imagers
	Resetting the Pixel
	The Intensity Level
	Sampling the Reference and Intensity Signals
	Noise Issues
	Subtracting VR from Vs
	Sensing Circuit Mismatches


	Chapter 18 Special Purpose CMOS Circuits
	18.1 The Schmitt Trigger
	18.1.1 Design of the Schmitt Trigger
	Switching Characteristics

	18.1.2 Applications of the Schmitt Trigger

	18.2 Multivibrator Circuits
	18.2.1 The Monostable Multivibrator
	18.2.2 The Astable Multivibrator

	18.3 Input Buffers
	18.3.1 Basic Circuits
	Skew in Logic Gates

	18.3.2 Differential Circuits
	Transient Response

	18.3.3 DC Reference
	18.3.4 Reducing Buffer Input Resistance

	18.4 Charge Pumps (Voltage Generators)
	Negative Voltages
	Using MOSFETs for the Capacitors

	18.4.1 Increasing the Output Voltage
	18.4.2 Generating Higher Voltages: The Dickson Charge Pump
	Clock Driver with a Pumped Output Voltage
	NMOS Clock Driver

	18.4.3 Example


	Chapter 19 Digital Phase-Locked Loops
	19.1 The Phase Detector
	19.1.1 The XOR Phase Detector
	19.1.2 The Phase Frequency Detector

	19.2 The Voltage-Controlled Oscillator
	19.2.1 The Current-Starved VCO
	Linearizing the VCO's Gain

	19.2.2 Source-Coupled VCOs

	19.3 The Loop Filter
	19.3.1 XOR DPLL






