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Preface

For the past twenty years, numerous people have predicted there soon would be little
need for analog circuitry because the world would rely on digital circuits. However,
although many applications have indeed replaced much analog circuitry with their
digital counterparts (such as digital audio), the need for good analog circuit design
remains strong. For example, when digitizing physical signals, analog-to-digital and
digital-to-analog converters are always needed, together with their associated anti-
aliasing and reconstruction filters. In addition, new applications continue to appear in
which speed and power-consumption requirements often demand the use of high-
speed analog front ends, such as digital communications over copper wires or wireless
communication channels. Also as integrated circuits become larger due to system
integration, it is much more likely that at least some portion of a modern integrated
circuit will include analog circuitry required to interface to the real world. Often this
analog circuitry, although it constitutes only a small portion of the total chip area, may
be the limiting factor on overall system performance and the most difficult part of the
IC to design. As a result, a strong industrial need for analog circuit designers contin-
ues. The purpose of this book is to help develop excellent analog circuit designers by
presenting a concise treatment of the wide array of knowledge required by an inte-
grated circuit designer.

Many refer to the designing and testing of high-performance analog circuits as
a “mystical art”. In other words, whereas digital design is relatively systematic, ana-
log design appears to be much more confusing and based on gut feelings. In addi-
tion, analog testing may sometimes seem to depend more on the time of day and
phase of the moon rather than on concrete electrical properties. These thoughts
about analog circuits usually occur when one is not familiar with the many funda-
mentals required to create high-performance analog circuits. A major goal of this
book is to help take the mystery out of analog integrated circuit design. The authors
believe that most experienced electrical engineers are capable of good design if they
are familiar with the most important design principles. We have attempted to high-
light these principles throughout this text. Although many circuits and techniques
are described, we have emphasized the most important and fundamental principles
involved in realizing state-of-the-art analog circuits. Throughout this book, we give
physical and intuitive explanations, and, although mathematical quantitative analy-
ses of many circuits have necessarily been presented, we have attempted not to miss
seeing the forest because of the trees. In other words, this book attempts to present
the critical underlying concepts without becoming entangled in tedious and over-
complicated circuit analyses.
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vi  Preface
INTENDED AUDIENCE

This book is primarily intended for use as a graduate-level textbook and as a reference

: for practicing engineers, although portions of this text are also useful for senior-level
undergraduate courses. To appreciate the material in this book, it is expected that the
reader has had at least one basic introductory course in analog circuits. Specifically,
the reader should be familiar with the concept of small-signal analysis and have been

il exposed to basic transistor amplifier circuits. In addition, the reader should be com-
fortable working in the frequency domain (i.e., should be familiar with the Laplace
transform) with possibly some knowledge of discrete-time signals.

In a graduate course, this book might be used in many ways. The chapters of this
book have intentionally been made mostly independent so that some chapters can be
covered while others are skipped. Also, it has been found to be very easy to change
the order of presentation. For example, if readers have a good modelling background,
they might skip Chapter 1, and if their discrete-time knowledge is good, Chapter 9
might be assigned only as review. We believe that such flexibility is essential in pre-
senting textbooks for the later years of study.

Here at the University of Toronto, we present the material in this book in a few
courses. A senior-level undergraduate course in analog circuits assigns Chapters 1, 3,
4, and 5, with the fundamentals and selected topics briefly covered from Chapters 6
and 7, as well. Another senior-level undergraduate course on analog filters uses Chap-
ter 9 and the filter portion of Chapter 10 after presenting filter basics. In a first-level
graduate course, we presently assign Chapters 1-3 and 5-7, while a second-level grad-
uate course (often taken concurrently with the first course) assigns Chapters 4, 8-10,
and 16. Chapters 9, 10, and 15 are presently covered in a separate graduate course with
other material on advanced analog filters, whereas Chapters 11-14 (together with jour-
nal publications) are assigned in a data converters course. Furthermore, we have often
modified this selection and order from year-to-year with little difficulty. Note that
some chapters are used in both undergraduate and graduate courses since many of our
graduate students do not come from our undergraduate program.

A secondary audience for this book includes recently graduated electrical engi-
neers who wish to rapidly increase their knowledge of modern analog circuit-design
techniques. In fact, much of the material covered in this text was originally taught and
refined, over many years, in popular short courses offered to working engineers who
realized the importance to their careers of upgrading their knowledge in analog circuit
design. For this audience, we have put much effort into highlighting the most impor-
tant considerations when designing the various circuits, and we have also tried to

include modern, well-designed examples and references to sources for further study.

TEXT OUTLINE

In Chapter 1, the basic physical behavior and migdelling for three integrated devices
are presented—diodes, MOSFET transistors, and bipolar transistors. Here, many of
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Preface vii

the modelling equations are derived to give the reader some appreciation of model
parameters and how they are affected as processes evolve. Models for the three
devices are summarized in a table format for quick reference.

In Chapter 2, issues associated with the manufacturing of a microcircuit are dis-
cussed. Emphasis is placed on CMOS fabrication, where details are given for a
generic process. Layout and design rules are presented with respect to analog circuits
where matching and noise considerations are important issues. This chapter concludes
with a description of a destructive phenomenon known as latch-up.

Fundamental building blocks of analog integrated circuits are discussed in Chap-
ter 3. Specifically, MOS current mirrors are presented as well as single-stage amplifi-
ers. A point to note here is that only active-load amplifiers are considered since these
types of amplifiers occur more often than other types in integrated circuits. The last
section in Chapter 3 presents SPICE simulation results for selected examples within
the chapter.

Noise analysis and modelling are discussed in Chapter 4. Here, we assume the
reader has not previously been exposed to random-signal analysis, and thus basic con-
cepts in analyzing random signals are first presented. Noise models are then presented
for basic circuit elements. Finally, a variety of circuits are analyzed from a noise per-
spective to give the reader some experience in noise analysis.

In Chapter 5, the fundamental principles of basic opamp design are presented. To
illustrate many of these principles, the design of a classic two-stage CMOS opamp is
thoroughly discussed. A systematic compensation procedure, which also applies to
many other opamp designs, is described. Also discussed here are methods to make the
compensation and transconductance values quite stable. Finally, the chapter con-
cludes with SPICE simulation results for selected examples.

Chapter 6 begins with a look at two advanced current-mirror approaches useful in
low-power supply operation and in short-channel processes. Next, two modern high-
speed opamps are discussed followed by a presentation of fully differential design
techniques and common-mode feedback circuits. These fully differential opamps are
used in many modern industrial applications where high speed and noise are impor-
tant considerations. Next, current-feedback opamps are discussed. Their main advan-
tage is that they maintain relatively constant bandwidth while the closed-loop gain is
changed. Once again, SPICE simulation examples are found at the end of this chapter.

In Chapter 7, comparator design is discussed. Comparators are perhaps the sec-
ond most common analog building block after opamps. Here, the practical limitations
of comparators are described as well as circuit techniques to improve performance. In
addition, examples of modern high-speed comparators are presented.

In Chapter 8, some additional analog building blocks are covered. Specifically,
sample-and-hold circuits are first covered, followed by bandgap voltage references,
and the chapter concludes with bipolar translinear-gain and multiplier circuits. At the
end of this chapter, all the main analog building blocks have been covered and the
remaining material in the text deals with more system-level analog blocks.

The basics of discrete-time signals and filters are presented in Chapter 9. This
material is essential for understanding the operation of many modern analog circuits
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such as switched-capacitor filters and oversampling converters. The approach taken
here is to show the close relationship between the Z-transform and the Laplace trans-
form, thereby building on the reader’s experience in the continuous-time domain.

In Chapter 10, the basics of switched-capacitor circuits are described. Switched-
capacitor techniques are the most common approach for realizing integrated filters
due to their high degree of accuracy and linearity. The chapter concludes with a
description of other switched-capacitor circuits, such as gain stages, modulators, and
voltage-controlled oscillators.

In Chapter 11, the fundamentals of data converters are presented. Ideal converters
are discussed first, and it is shown that quantization noise does not occur in D/A con-
verters but is a fundamental limit in A/D converters. Signed codes are then presented,
and the chapter concludes with a discussion of performance limitations.

Popular Nyquist-rate D/A architectures are discussed in Chapter 12, with various
approaches for realizing Nyquist-rate A/D converters described in Chapter 13. The
importance of data conversion cannot be overemphasized in today’s largely digital
world, and these two chapters discuss the main advantages and design issues of many
modern approaches.

Oversampling converters are presented separately in Chapter 14 due to the large
amount of signal-processing concepts needed to properly describe these converters.
Here, digital issues (such as decimation filters) are also presented since good overall
system knowledge is needed to properly design these types of converters. In addi-
tion, practical issues and recent new approaches (such as the use of multibit conver-
sion) are also discussed. This chapter concludes with a third-order A/D converter
example.

Continuous-time filters are presently being applied to many new products, partic-
ularly in high-speed data-communication applications, and they are the focus of
Chapter 15. Bipolar, CMOS, and BiCMOS approaches are described, followed by
some tuning approaches. Finally, dynamic range measurement aspects of continuous-
time filters are discussed, such as THD, spurious-free dynamic range, and the third-
order intercept point.

Finally, the text concludes with phase-locked loops in Chapter 16. Phase-locked
loops are essential components for clock recovery in many digital and data communi-
cation circuits. Here, basic concepts and a simulation technique are presented for such
systems.

ACKNOWLEDGMENTS
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CHAPTER

1

Integrated-Circuit
Devices and Modelling

In this chapter, the operation and modelling of semiconductor devices are described.
Although it is possible to do simple integrated-circuit design with a basic knowledge
of semiconductor device modelling, for high-speed state-of-the-art design, an in-
depth understanding of the second-order effects of device operation and their model-
ling is considered critical.

Ii is assumed that most readers have been introduced to transistors and their basic
modelling in a previous course. Thus, fundamental semiconductor concepts are only
briefly reviewed. Section 1.1 describes pn junctions {or diodes). This section is
important in understanding the parasitic capacitances in many device models, such as
junction capacitances. Section 1.2 covers MOS transistors and modelling. It should be
noted that this section relies to some degree on the material previously presented in
Section 1.1, in which depletion capacitance is covered. Section 1.4 covers bipolar-
junction transistors and modelling. A summary of device models and important equa-
tions is presented in Section 1.5. This summary is particularly useful for a reader who
already has a good background in transistor modelling, in which case the summary
can be used to follow the notation used throughout the remainder of this book. In
addition, a brief description is given of the most important process-related parameters
used in SPICE modelling. Finally, this chapter concludes with an Appendix contain-
ing derivations of the more physically based device equations.

1.1 SEMICONDUCTORS AND pn JUNCTIONS

A semiconductor is a crystal lattice structure that can have free electrons (which are
negative carriers} and/or free holes (which are an absence of electrons and are equiva-
lent to positive carriers). The type of semiconductor typically used is silicon (com-
monly called sand). This material has a valence of four, implying that each atom has
four free electrons to share with neighboring atoms when forming the covalent bonds of
the crystal lattice. fntrinsic silicon (i.e., undoped silicon) is a very pure crystal structure
having equal numbers of free electrons and holes. These frec carriers are those electrons
or holes that have gained enough energy due to thermal agitation to escape their bonds.
At room temperature, there are approximately 1.5 x 10" carriers of cach type per cm’,
or equivalently 1.5 x 10" carriers/m®. The number of carriers approximately doubles
for every 11 °C increase in temperature.
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2 Chapter 1 ¢ Integrated-Circuit Devices and Modelling

If one dopes silicon with a pentavalent impurity (i.e., atoms of an element having
a valence of five, or equivalently five electrons in the outer shell, available when
bonding with neighboring atoms), there will be almost one extra free electron for
every impurity atom.' These free electrons can be used to conduct current. A pentava-
lent impurity is said to donate free electrons to the silicon crystal, and thus the impu-
rity is known as a donor. Examples of donor elements are phosphorus, P, and arsenic,
As. These impurities are also called N-type dopants since the free carriers resuiting
from their use have negative charge. When an n-type impurity is used, the total num-
ber of negative carriers or electrons is almost the same as the doping concentration,
and is much greater than the number of free electrons in intrinsic silicon. In other
words,

= Np (L1)

where n, denotes the free-electron concentration in n-type material and Np is the
doping concentration (with the subscript D denoting donor). On the other hand, the
number of free holes in N-doped material will be much less than the number of holes
in intrinsic silicon and can be shown [Sze, 1981] to be given by
2
- 1.2)
Pn Ny (1.

Here, n; is the carrier concentration in intrinsic silicon.

S1rrularly, if one dopes silicon with atoms having a valence of three, for example,
boron (B), the concentration of positive carriers or holes will be approximately equal
to the acceptor concentration, N, ,

Pp = Ny (1.3)

and the number of negative carriers in the p-type silicon, Ny, is given by

— (1.4)

EXAMPLE 1.1

Intrinsic silicon is doped with boron at a concentration of 10% atoms/m®. At
room temperature, what are the concentrations of holes and elgctrons in the
resulting doped silicon? Assume that n, = 1.5 x 10" carriers/m" .

Solution

The hole conccmrauon Pp - Will approximately equal the doping concentration P, =
Ny = 10% holes/m’ ) The electron concentration is found from (1 4) to be

1. In fact, there will be slightly fewer mobile carriers than the number of impurity atoms since some of the
free electrons from the dopants have recombined with holes. However, since the number of holes of intrin-
sic silicon is much less than typical doping concenirations, this i inaccuracy is small.
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1.1 Semiconductors and pn Junctions 3

(1.5 x 10"

n, = P | 2.3 % 10° electrons/m” (1:5)

107

Such doped silicon is referred to as p type since it has many more free holes
than free electrons.

Diodes

To realize a diode, or, equivalently, a pn junction, one part of a semiconductor is
doped n type, and a closely adjacent part is doped p type, as shown in Fig. 1.1. Here
the diode, or junction, is formed between the p* region and the n region. It should be
noted that the superscripts indicate the relative doping levels. For example, the p~
bulk region might have an impurity concentration of 5 x 10°' carriers/m’, whereas the
p* and n* regions would be doped more heavily to a value around 10> to 10%7 carri-
ers/m’. Also, note that the metal contacts to the diode (in this case, aluminum) are
connected to a heavily doped region as opposed to a lightly doped region; otherwise a
Schottky diode would occur. (Schottky diodes are discussed on page 15.) Thus, in
order not to make a Schottky diode, the connection to the n region is actually made
via the n* region. "

In the p* side, a large number of free positive carriers are available, whereas in
the n side, many free negative carriers are available. The holes in the p* side will tend
to disperse or diffuse into the n side. whereas the Tree electrons in the n side will tend
to diffuse to the p* side. This process is very similar to two gases randomly diffusing
together. This diffusion lowers the concentration of free carriers in the region between
the two sides. As the two types of carriers diffuse together, they recombine. Every
electron that diffuses from the n side to the p side leaves behind a bound positive
charge close to the transition region. Similarly, every hole that diffuses from the p
side leaves behind a bound electron near the transition region. The end result is shown
in Fig. 1.2. This diffusion of free carriers creates a depletion region at the junction of
the two sides where no free carriers exist, and which has a net negative charge on the
p* side and a net positive charge on the n side. The total amount of exposed or bound

Anode Cathode

Sio, Al

Anode

Cathode

pn junction p Bulk

Fig. 1.1 A cross section of a pn diode.
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4  Chopter 1 * Integrated-Circuit Devices and Modelling

Electric
field

+++
— |+ ++
p* ——|+++| n

/_ |+ +‘5\
——|t++ \ Fig. 1.2 A simplified model of a diode.

Immobﬁa — [mmobile  TNote that a depletion region exists at the
negative Depietion positive junction due to diffusion and extends far-

charge region charge ther into the more lightly doped side.

charge on the two sides of the junction must be equal for charge neutrality. This
requirement causes the depletion region to extend farther into the more lightly doped
n side than into the p* side.

As these bound charges are exposed, an electric field develops going from the n
side to the p side. This electric field is often called the built-in potential of the junc-
tion. It opposes the diffusion of free carriers until there is no net movement of charge
under open-circuit and steady-state conditions. The built-in voltage of an open-circuit
pn junction is given by Sze [1981] as

N,N35
D, = Vi h{ - D} (1.6)
n;
where
v, = (1.7)
q

with T being the temperature in degrees Kelvin (= 300 °K at room temperature), K
being Boltzmann’s constant { 1.38 x 10 JK'), and q being the charge of an elec-
tron (1.602 % 10"c ). At room temperature, V1 is approximately 26 mV.

EXAMPLE 1.2
A pn junction has Ny = 10” holes/m” and N, = 10* electrons/m” , What is
the built-irt junction potential? Assume that n; = 1.5 x 10'° carriers/m’ .
Solution
Using (1.6), we obtain
10% x 107
@, = 0.026 % h{——-—-—x =088V (1.8)
(15x10™)

17 of 720




1.1 Semiconductors and pn Junctions 5

This is a typical value for the built-in potential of a junction with one side
heavily doped. As an approximation, we will normally use @, = 0.9 V for the
built-in potential of a junction having one side heavily doped.

Reverse-Biased Diodes

A silicon diode having an anode-to-cathode (i.e., p side to n side) voltage of 0.4 V
or less will not be conducting appreciable current. In this case, it is said to be
reverse biased. If a diode is reverse biased, current flow is primarily due to ther-
mally generated carriers in the depletion region, and it is extremely small. Although
this reverse-biased current is only weakly dependent on the applied voltage, the
reverse-biased current is directly proportional to the area of the diode junction.
However, an effect that should not be ignored, particularly at high frequencies, is
the junction capacitance of a diode. In reverse-biased diodes, this junction capaci-
tance is due to varying charge storage in the depletion regions and is modelled as a
depletion capacitance.

To determine the depletion capacitance, we first state the relationship between the
depletion widths and the applied reverse voltage, VR {Sze, 1981].

172

2K e0( Dy + V) Na

X, = (1.9)
L q Np(Na+Np) |
2K g, (D, + V N 7'
X, = | — o(Pot V) D (1.10)
5 q NA(Na+Np) |

—12

Here, g, is the permittivity of free space (equal to 8.854 x 107 F/m), Vg is the
reverse-bias voltage of the diode, and K is the relative permittivity of silicon (equal
to 11.8). It should be noted that these equations assume that the doping changes
abruptly from the n to the p side.

From the above equations, we see that if one side of the junction is more heavily
doped than the other, the depletion region will extend mostly on the lightly doped
side. For example, if N, >> Ny (i.e., if the p region is more heavily doped), we can
approximate (1.9) and (1.10) as

2KSEO(CD0+VH):IV2 X [2KSEO(¢O+VR)ND 2 (141)
X = |—————— = .
) aNp P qu

Indeed, for this case
_ Na

= N_D (1.12)

xn
X,

This special case is called a single-sided diode.
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6  Chapter 1 # Integrated-Circuit Devices and Modelling

EXAMPLE 1.3
N . 25 3 22 3
For a pn junction having Ny = 107 holes/m” and Ny = 10 electrons/m”,
what are the depletion-layer depths for a 5-V reverse-bias voltage?
Solution

Since N, >> Np and we already have found in Example 1.2 that ®;, = 0.9V,
we can use (1.11) to find

1/2
2x 11.8x8.854x 10 " x 5.
xn:{ x 11.8 x 819x1022x59 = 0.88 pm (1.13)
1.6x10 " x10
xn
Xp = ———— = 0.88 nm (1.14)
{Na/Np)

Note that the depletion width in the lightly doped n region is 1,000 times greater
than that in the more heavily doped p region.

The charge stored in the depletion region, per unit cross-sectional area, is found
by multiplying the depletion-region width by the concentration of the immobile
charge (which is approximately equal to q times the impurity doping density). For
example, on the n side, we find the charge in the depletion region to be given by mul-
tiplying (1.9) by qNp, resulting in

+ NAND 172
Q' = 2qKsao(¢0+vH)NA+ND (1.15)

This amount of charge must also equal Q™ on the p side since there is charge equality.
In the case of a single-sided diode when N, >> Np, we have
Q = Q" = [2qK&y(DP, + Vg)Np]

172 (1.16)
Note that this result is independent of the impurity concentration on the heavily doped
side. Thus, we see from the above relation that the charge stored in the depletion
region is dependent on the applied reverse-bias voltage. It is this charge-voltage rela-
tionship that is modelled by a nonlinear depletion capacitance.

For small changes in the reverse-biased junction voltage, about a bias voltage, we
can find an equivalent small-signal capacitance, C;, by differentiating (1.15) with
respect to V. Such a differentiation results in

C - dQ’ _ [ qKsg,  NaNp }1/2 _ Cio
D

= 1.17
' dVp | 2P+ Vr)Ns+N (117
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where Gy is the depletion capacitance per unit area at Vi = 0and is given by

K.z, NuN
Cjo - qRrsgg A'ND (1.18)
20, No+Np

In the case of a one-sided diode with Ny >> Np, we have

| 9Ks&No m: Cio (1.19)
Pl 2(@g + V) Vn '
L
(I)O

where now

KoeoN
Cy = /q—;;"——D (1.20)
0

It should be noted that many of the junctions encountered in integrated circuits
are one-sided junctions with the lightly doped side being the substrate or sometimes
what is called the well. The more heavily doped side is often used to form a contact to
interconnecting metal. From (1.20), we see that, for these one-sided junctions, the
depletion capacitance is approximately independent of the doping concentration on
the heavily doped side, and is proportional to the square root of the doping concentra-
tion of the more lightly doped side. Thus, smatler depletion capacitances are obtained
for more lightly doped substrates—a strong incentive to strive for lightly doped sub-
strates. b

Finally, note that by combining (1.15) and (1.18), we can express the equation for
the immobile charge on either side of a reverse-biased junction as

Vg
Q = 2C;®@, 1+ — (1.21)
(I)O

As seen in Example 1.6, this equation is useful when one is approximating the large-
signal charging (or discharging) time for a reverse-biased diode.

EXAMPLE 1.4

For a pn junction having N, = 10”° holes/m’ and Np = 10 electrons/m’,
what is the total zero-bias depletion capacitance for a diode of area 10 Lm x
10 pm ? What is its depletion capacitance for a 3-V reverse-bias voltage?

Solution
Making use of (1.20), we have

= 304.7 pF/m’ (1.22)

c - J1.6 x 10" x 11.8 x 8.854 x 1072 x 107
10 2x0.9
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Since the diode area is 100 x 1072 m?, the total zero-bias depletion capacitance is
Crpp = 100x 107 x304.7x 10 = 30.5 {F (1.23)

At a 3-V reverse-bias voltage, we have from (1.19)

Cry= =29 476k (1.24)

As expected, we see a decrease in junction capacitance as the width of the deple-
tion region is increased.

Graded Junctions

All of the above equations assumed an abrupt junction where the doping concentra-
tion changes quickly from p to n over a small distance. Although this is a good
approximation for many integrated circuits, it is not always true. For example, the
collector-to-base junction of a bipolar transistor is most commonly realized as a
graded junction. In the case of graded junctions, the exponent 1/2 in Eq. (1.15) is
inaccurate, and a better value to use is an exponent closer to unity, perhaps 0.6 to 0.7.
Thus, for graded junctions, (1.15) is typically written as

-

Q = |2aqK e (D, + V NaNo 77 (1.25)
= | 2qKgeo(Pg + R)NA”*'ND .

where m is a constant typically around 1/3.
Differentiating (1.25) to find the depletion capacitance, we have

NAND 1I-m 1
C; = (1-m) 29K, (1.26)
Na+No| (@, +vy"
This depletion capacitance can also be written as
C
C = —b— (1.27)
Vrym
3)
@,
where
NANop b-m
C, = (1-m)|2gK,e — L.
jo = ( )[ aKs DNA+ND:| o (1.28)

From (1.27), we see that a graded junction results in a depletion capacitance that
is less dependent on Vg than the equivalent capacitance in an abrupt junction. In other
words, since m is less than 0.5, the depletion capacitance for a graded junction is
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more linear than that for an abrupt junction. Correspondingly, increasing the reverse-
bias voltage for a graded junction is not as effective in reducing the depletion capaci-
tance as it is for an abrupt junction.

Finally, as in the case of an abrupt junction, the depletion charge on either side of
the junction can also be written as

I-m
Q = q°¢b+!ﬂ (1.29)
T1-m U P '
EXAMPLE 1.5
Repeat Example 1.4 for a graded junction with m = 0.4.
Solution
Noting once again that N, >> Np, we approximate (1.28) as
-m 1
Cip = (1-m)[2g9K.e,Np]' ™" — (1.30)
@
resulting in
Cjo = 81.5 uF/m’ (1.31)
which, when multiplied by the diode’s areaof 10 pm x 10 wm, results in
CT-jG = 8.1f{F (1.32)
For a 3-V reverse-bias voltage, we have
Cri= —F 45w (133)

™ 14309

Large-Signal Junction Capacitance

The equations for the junction capacitance given above are only valid for small
changes in the reverse-bias voltage. This limitation is due to the fact that C; depends on
the size of the reverse-bias voltage instead of being a constant. As a result, it is
extremely difficult and time consuming to accurately take this nonlinear capacitance
into account when calculating the time to charge or discharge a junction over a large
voltage change. A commonly used approximation when analyzing the transient
response for large voltage changes is to use an average size for the junction capacitance
by calculating the junction capacitance at the two extremes of the reverse-bias voltage.
Unfortunately, a problem with this approach is that when the diode is forward biased
with Vg = -®,, Eq. (1.17) “blows up” (i.e., is equal to infinity). To circumvent this
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problem, one can instead calculate the charge stored in the junction for the two extreme
values of applied voltage (through the use of (1.21)), and then through the use of
Q = CV, calculate the average capacitance according to
Q) -Qvy)

Ca = 1.34
j-av Vz—vl ( )

where V, and V, are the two voltage extremes [Hodges, 1988].
From (1.21), for an abrupt junction with reverse-bias voltage V,;, we have

V.
Q(V) = 2C,,, {1 +— (1.35)
@,
v Y
Ul + - Jl + —-1]
(I)O q)(}

Ciav = 2C®, =y (1.36)
27V

Therefore,

One special case often encountered is charging a junction from 0V to 5 V. For this
special case, and using @, = 0.9 V, we find that

Ciav = 0.56C (1.37)

Thus, as a rough approximation to quickly estimate the charging time of a junction
capacitance from 0 V to 5 V (or vice versa), one can use

Cio
Ciav = —2’- (1.38)
It will be seen in the following example that (1.37} compares well with a SPICE sim-
ulation,
EXAMPLE 1.6

For the circuit shown in Fig. 1.3, where a reverse-biased diode is being charged
from O V to 5 V, through a 10-kQ resistor, calculate the time required to charge
the diode from O V to 3.5 V. Assume that C;-O =02 fF/([.lm)2 and that the
diode has an area of 20 um x5 pm. Compare your answer to that obtained
using SPICE. Repeat the question for the case of the diode being discharged
from5Vito 15V,

Solution

The total small-signal capacitance of the junction at 0-V bias voltage is obtained
by multiplying 0.2 fF/({ ;1m)2 by the junction area to obtain

Cio = 0.2x107°x20x5 = 0.02 pF (1.39)
Using (1.37}, we have
Ciav = 0.56%0.02 = 0.011 pF (1.40)
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R =10 kQ
Y Vin o0 Ay + o Vou
20 pm X5 um
v 2
t=0 = Cjo = 0.2 1F/(um)
(a)
R = 10 k&
Vin o—AN l o Vou
I Coq = 0.012 pF
(b)
Fig. 1.3 {a) The circuit used in Example 1.6; {b} its RC approximate
equivalent.
resulting in a time constant of
Tt = RC;,, = 0.11 ns (1.41)

It is not difficult to show that the time it takes for a first-order circuit to rise (or
fall) 70 percent of its final value is equal to 1.27. Thus, in this case,

the = 1.27 = 0.13 ns (1.42)

As a check, the circuit of Fig. 1.3(a) was analyzed using SPICE. The input
data file was as follows:

R1210k
D 02 DMOD

%

VIN 10dec2.5PULSE (050 10p 10p 0.4%n 1.0n)

%

.MODEL DMOD D(CJO=0.02E-12)
*

OPTIONS NUMDGT=5 ITL1=500
WIDTH OUT=80

TRAN 0.01n 1.0n

JPRINT TRAN V(2)

END

The SPICE simulation gave a 0-V to 3.5-V rise time of 0.14 ns and a 3-V to
1.5-V fall time of 0.12 ns. These times compare favorably with the 0.13 ns pre-
dicted. The reason for the different values of the rise and fall times is the nonlin-
earity of the junction capacitance. For smaller bias voltages it is larger than that
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predicted by (1.37), whereas for larger bias voltages it is smaller. If we use the
more accurate approximation of (1.36) for the rise time with V, = 3.5 and
V, = 0V, we find

0.9 35
C. = 2x002x—{ 1+==—-1]= 0012 pF 1.43
Fav 3.5[ 0.9 } P (143
Also, for the fall time, we find that
09 .
Ciav = 2x0.02 '\/1+£—,‘/1+i = (0.010 pF (1.44)
1.5-5 0.9 09
These more accurate approximations result in
t,0e = 0.144 ns (1.45)
and
t g = 0114 ns (1.46)

in closer agreement with SPICE. Normally, the extra accuracy that results from
using (1.36) instead of (1.37) is not worth the extra complication because one
seldom knows the area of Cjo to better than 20 percent accuracy.

Forward-Biased Junctions -

A positive voltage applied from the p side to the n side of a diode reduces the electric
field opposing the diffusion of the free carriers across the depletion region. It also
reduces the width of the depletion region. If this forward-bias voltage is large enough,
the carriers will start to diffuse across the junction, resulting in a current flow from the
anode to the cathode. For silicen, appreciable diode current starts to occur for a forward-
bias voltage around 0.5 V. For germanium and gallium arsenide semiconductor mate-
rials, current conduction starts to occur around 0.3 V and 0.9 V, respectively.

When the junction potential is sufficiently lowered for conduction to occur, the
carriers diffuse across the junction due to the large gradient in the mobile carrier con-
centrations. Note that there are more carriers diffusing from the heavily doped side to
the lightly doped side than from the lightly doped side to the heavily doped side.

After the carriers cross the depletion region, they greatly increase the minority
charge at the edge of the depletion region. These minority carriers will diffuse away
from the junction toward the bulk. As they diffuse, they recombine with the majority
carriers, thereby decreasing their concentration. This concentration gradient of the
minority charge (which decreases the farther one gets from the junction) is responsi-
ble for the current flow near the junction.

The majority carriers that recombine with the diffusing minority carriers come
from the metal contacts at the junctions because of the forward-bias voltage. These
majority carriers flow across the bulk, from the contacts to the junction, due to an
electric field applied across the bulk. This current flow is called drift. It results in
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small potential drops across the bulk, especially in the lightly doped side. Typical val-
ues of this voltage drop might be 50 mV to 0.1 V, depending primarily on the doping
concentration of the lightly doped side, the distance from the contacts to the junction,
and the cross-sectional area of the junction.

In the forward-bias region, the current-voltage relationship is exponential and can
be shown (see Appendix) to be

Ip = IV (1.47)
where V|, is the voltage applied across the diode and
1 1
[gec Ag| —+ — 1.48
s D[NA NDJ (1.48)

I is known as the scale current and is seen to be proportional 1o the area of the diode
junction, Ap, and inversely proportional to the doping concentrations.

Junction Capacitance of Forward-Biased Diode

When a junction changes from reverse biased (with Iittle current through it) to for-
ward biased (with significant current flow across it), the charge being stored near and
across the junction changes. Part of the change in charge is due to the change in the
width of the depletion region and therefore the amount of immobile charge stored in
it. This change in charge is modelled by the depletion capacitance, Ci’ similar to when
the junction is reverse biased. An additional change in charge storage is necessary to
account for the change of the minority carrier concentration close to the junction
required for the diffusion current to exist. For example, if a forward-biased diode cur-
rent is to double, then the slopes of the minority charge storage at the diode junction
edges must double, and this, in turn, implies that the minority charge storage must
double. This component is modelled by another capacitance, called the diffusion
capacitance, and denoted Cy.
The diffusion capacitance can be shown (see Appendix) to be

Cd = TT— (1.49)

where Ty is the transit time of the diode. Normally Ty is specified for a given technol-
ogy, so that one can calculate the diffusion capacitance. Note that the diffusion capac-
itance of a forward-biased junction is proportional to the diode current.

The total capacitance of the forward-biased junction is the sum of the diffusion
capacitance, Cy. and the depletion capacitance, Cj. Thus, the total junction capaci-
tance is given by

CT = Cd+Cj (]..50)

For a forward-biased junction, the depletion capacitance, G, can be roughly approxi-
mated by 2C;,. The accuracy of this approximation is not critical since the diffusion
capacitance is typically much larger than the depletion capacitance,
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Finally, it should be mentioned that as a diode is turned off for a short period of
time a current will flow in the negative direction until the minority charge is removed.
This behavior does not occur in Schottky diodes since they do not have minority
charge storage.

Small-Signal Model of a Forward-Biased Diode

A small-signal equivalent model for a forward-biased diode is shown in Fig. 1.4. A
resistor, Iy, models the change in the diode voltage, Vp, that occurs when I changes.
Using (1.47), we have

R | AL AL, S
1. = I =20 (1.51)
s dVp Vr  Vq

This resistance is called the incremental resistance of the diode. For very accurate
maodelling, it is sometimes necessary to add the series resistance due to the bulk and
also the resistance associated with the contacts. Typical values for the contact resis-
tance (caused by the work-function® difference between metal and silicon) might be
20 Qto 40 Q.

By combining (1.49) and (1.51), we see that an alternative equation for the diffu-
sion capacitance, Cg, is

Ty
Cy = — (1.52)
rg =
Since for moderate forward-bias currents, Cy >> C;, the total small-signal capaci-
tance is Gy = Cy, and

r,Cr = T (1.53)

Thus, for charging or discharging a forward-biased junction with a current source
having an impedance much larger than ry, the time constant of the charging is approx-
imately equal to the transit time of the diode and is independent of the diode current.
For smaller diode currents, where G, becomes important, the charging or discharging
time constant of the circuit becomes larger than 7.

o
1l
i

Fig. 1.4 The smallsignal model
for a forward-biased junction.

2. The work-function of a material is defined as the minimum energy required to remove an electron af the
Fermi level to the outside vacuum region.
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EXAMPLE 1.7
A given diode has a transit time of 100 ps and is biased at 1 mA . What are the
values of its small-signal resistance and diffusion capacitance? Assume room
temperature, so that V; = kT/q = 26 mV.
Solution
We have
\ \4
b Y S0
Ip 1 mA
and
T 100
Cy=—=—PL = 38pF
rg 26 Q
Note that this diffusion capacitance is over 100 times larger than the total deple-
tion capacitance found in Examples 1.4 and 1.5.
Schottky Diodes

A different type of diode, one often used in microeircuit design, is realized by contact-
ing metal to a lightly doped semiconductor region (rather than a heavily doped region)
as shown in Fig. 1.5. Notice that the aluminum anode is in direct contact with a rela-
tively lightly doped n™ region. Because the n™ region is relatively lightly doped, the
work-function difference between the aluminum contact and the n” silicon is larger
than would be the case for aluminum contacting to an N* region, as occurs at the cath-
ode. This causes a depletion region and, correspondingly, a diode to occur at the inter-
face between the aluminum anode and the n_ silicon region. This diode has different
characteristics than a normal pn junction diode. First, its voltage drop when forward

Anode Al Cathode

Anode

Cathode

Schottky diode p Bulk

depletion region

Fig. 1.5 A cross section of a Schottky diode.
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biased is smaller. This voltage drop is dependent on the metal used; for aluminum it
might be around 0.5 V. More importantly, when the diode is forward biased, there is
no minority-charge storage in the lightly doped n™ region. Thus, the small-signal
model of a forward-biased Schottky diode has C4 = 0 (with reference to Fig. 1.4).
The absence of this diffusion capacitance makes the diode much faster. It is particu-
larly faster when turning off, because it is not necessary to remove the minority charge
first. Rather, it is only necessary to discharge the depletion capacitance through about
02 V.

Schottky diodes have been used extensively in bipolar logic circuits. They are
also used in a number of high-speed analog circuits, particularly those realized in gal-
lium arsenide (GaAs) technologies, rather than silicon technologies.

1.2 MOS TRANSISTORS

Presently, the most popular techmelogy for realizing microcircuits makes use of MOS
transistors. Unlike most bipolar junction transistor (BJT) technologies, which make
dominant use of only one type of transistor (npN transistors in the case of BJT pro-
cesses’), MOS circuits normally use two complementary types of transistors—n-
channel and p-channel. While n-channel devices conduct with a positive gate voltage,
p-channel devices conduct with a negative gate voltage. Moreover, electrons are used
to conduct current in N-channel transistors, while holes are used in p-channel transis-
tors. Microcircuits containing both n-channe! and p-channel transistors are called
CMOS circuits, for complementary MOS. The actonym MOS stands for metal-oxide
semiconductor, which historically denoted the gate, insulator, and channel region
materials, respectively, However, most present CMOS technologies utilize polysili-
con gates rather than metal gates.

Before CMOS technology became widely available, most MOS processes made
use of only N-channel transistors (NMOS). However, often two different types of n-
channel transistors could be realized. One type, enhancement n-channel transistors, is
similar to the n-channel transistors realized in CMOS technologies. Enhancement
transistors Tequire a positive gate-to-source voltage to conduct current. The other
type, depletion transistors, conduct current with a gate-source voltage of 0 V. Deple-
tion transistors were used to create high-impedance loads in NMOS logic gates.

A typical cross section of an n-channel enhancement-type MOS transistor is
shown in Fig. 1.6. With no voltage applied to the gate, the n* source and drain regions
are separated by the p~ substrate. The separation between the drain and the source is
called the channel length, L. In present MOS technologies, the minimum channel
length is typically between 0.3 pm and 1.0 um. It should be noted that there is no
physical difference between the drain and the source.® The source terminal of an

3. Most BIT technologies can also realize low-speed lateral pnp transistors. Normally these would only be
used to realize current sources as they have low gains and poor frequency responses. Recently, bipolar
technologies utilizing high-speed vertical pnp transistors, as well as high-speed npn transistors, have
become available and are growing in popularity. These technologies are called complementary bipolar
technologies.

4. Large MOQS transistors used for power applications might not be realized with symmetric drain and
source junctions.
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Metal (Al) Si0,

, Polysilicon
)
|

Bulk or substrate

Fig. 1.6 A cross section of a typical n<hannel transistor.

n-channel transistor is defined as whichever of the two terminals has a lower voltage.

For a p-channel transistor, the source would be the terminal with the higher voltage.
‘ When a transistor is turned on, current flows from the drain to the source in an

n-channel transistor and from the source to the drain in a p-channel transistor. In both
cases, the true carriers travel from the source to drain, but the current directions are
different because n-channel carriers (electrons) are negative, whereas p-channel carri-
' ers (holes) are positive.

The gate is normally realized using polysilicon, which is heavily doped noncrys-

| talline (or amorphous) silicon. Polysilicon gates are used nowadays (instead of metal)

because polysilicon allows the dimensions of the transistor to be realized much more
‘ accurately during the patterning of the transistor, which involves what is called a self-

aligned process. This higher geometric accuracy fesults in smaller, faster transistors.
‘ The gate is physically separated from the surface of the silicon by a thin insulator
made of silicon dioxide (SiO5). Thus, the gate is electrically isolated from the channel
and affects the channel (and hence, the transistor current) only through electrostatic
coupling, similar to capacitive coupling. A typical thickness for the SiO, insulator
.' between the gate and the channel is presently from 0.01 pm to 0.03 um. Since the
' gate is electrically isolated from the channel, it never conducts dc current. Indeed, the
excellent isolation results in leakage currents being almost undetectable. However,
because of the inherent capacitances in MOS transistors, transient gate currents do
exist when gate voltages are quickly changing.

Normally the p substrate (or bulk) is connected to the most negative voltage in a
microcircuit. In analog circuits, this might be the negative power supply. but in digital
circuits it is normally ground or 0 V. This connection results in all transistors placed
in the substrate being surrounded by reverse-biased junctions, which electrically iso-
late the transistors and thereby prevent conduction through the substrate between tran-
sistors (unless, of course, they are connected together through some other means).

Symbols for MOS Transistors

Many symbols have been used to represent MOS transistors. Figure 1.7 shows some
of the symbols that have been used to represent n-channel MOS transistors. The sym-
bol in Fig. 1.7(a) is often used; note that there is nothing in the symbol to specify

30 of 720




18  Chapter 1 = Integrated-Circuit Devices and Modelling

(a) (b) (o) (d) )

Fig. 1.7 Commonly used symbols for nchannel rransistors.

whether the transistor is N-channel or p-channel. A common rule is to assume, when
in doubt, that the transistor is an n-channel enhancement iransistor. Figure 1.7(b) is
the most commonly used symbol for an n-channel enhancement transistor and is used
throughout this text. The arrow pointing outward on the source indicates that the tran-
sistor is N-channel, similar to the conventiop used for Npn transistors, and indicates
the direction of hole current.

MOS transistors are actually four-terminal devices, with the substrate being the
fourth terminal. In n-channel devices, the p~ substrate is normally connected to the
most negative voltage in the microcircuit, whereas for p-channel devices, the n™ sub-
strate is normally connected to the most positive voltage. In these cases the substrate
connection is normally not shown in the symbol. However, for CMOS technologies, at
least one of the two types of transistors will be formed in a well substrate that need not
be connected to one of the power supply nodes. For example, an n-well process would
form n-channel transistors in a P~ substrate encompassing the entire microcircuit,
while the p-channel transistors would be formed in many n-well substrates. In this
case, most of the n-well substrates would be cosnected to the most positive power sup-
ply, while some might be connected to other nodes in the circuit (often the well is con-
nected to the source of a transistor that is not connected to the power supply). In these
cases, the symbol shown in Fig. 1.7(¢) can be used to show the substrate connection
explicitly. It should be noted that this case is not encountered often in digital circuits
and is more common in analog circuits. Sometimes, in the interest of simplicity, the
isolation of the gate is not explicitly shown, as is the case of the symbol of Fig. 1.7(d).
This simple notation is more common for digital circuits in which a large number of
transistors are present. Since this symbol is also used for JFET transistors, it will never
be used to represent MOS transistors in this text, The last symbol, shown in Fig. 1.7(¢),
denotes an n-channel depletion transistor. The extra line is used to indicate that a phys-
ical channel exists for a 0-V gate-source voltage. Depletion transistors were used in
older NMOS technologies but are not typically available in CMOS processes.

Figure 1.8 shows some commonly used symbols for p-channel transistors, In this
text, the symbol of Fig. 1.8{a) will be most often used. The symbol in Fig. 1.8(c) is

(a) (b) (c) (d) (e)

Fig. 1.8 Commonly used symbols for pchannel transistors.
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sometimes used in digital circuits, where the circle indicates that a low voltage on the
gate turns the transistor on, as opposed to a high voltage for an n-channel transistor
(Fig. 1.7(a)). The symbols of Fig. 1.8(d) or Fig. 1.8(e) might be used in larger circuits
where many transistors are present. to simplify the drawing somewhat. They will not
be used in this text.

Basic Operation

The basic operation of MOS transistors will be described with respect to an n-channel
transistor. First, consider the simplified cross sections shown in Fig. 1.9, where the
source, drain, and substrate are all connected to ground. In this case, the MOS transis-
tor operates similarly to a capacitor. The gate acts as one plate of the capacitor, and
the surface of the silicon, just under the thin insulating SiO,, acts as the other plate.
If the gate voltage is very negative, as shown in Fig. 1.9(a), positive charge will
be attracted to the channel region. Since the substrate was originally doped p , this
negative gate voltage has the effect of simply increasing the channel doping to p*,

Source a<<0 Si0, Drain

Tras ? / =

Depletion region

p~ substrate

(a)

Source Vg>>0 Si0o, Drain

(=
W 7 N S S S S R K. S |
V7777 T T > F 7771
Channel

Depletion region j

p~ substrate

B

(b)

Fig. 1.9 An n<hannel MOS transistor. (a) Vg << 0, resulting in an accu-
mulated channel (no current flow); (b) Vg >> 0, and the channel is present
(current flow possible from drain to source).
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resulting in what is called an accumulated channel. The n* source and drain regions
are separated from the p*-channel region by depletion regions, resulting in the equiva-
lent circuit of two back-to-back diodes. Thus, only leakage current will flow even if
one of the source or drain voltages becomes large (unless the drain voltage becomes
so large as to cause the transistor to break down).

In the case of a positive voltage being applied to the gate, the opposite situation
occurs, as shown in Fig. 1.9(b). For small positive gate voltages, the positive carriers
in the channel under the gate are initially repulsed and the channel changes froma p
doping level to a depletion region. As a more positive gate voltage is applied, the gate
attracts negative charge from the source and drain regions, and the channel becomes
an N region with mobile electrons connecting the drain and source regions.’ In short, a
sufficiently large positive gate-source voltage changes the channel beneath the gate to
an hregion, and the channel is said to be inverred.

The gate-source voltage, for which the concentration of electrons under the gate
is equal to the concentration of holes in the p~ substrate far from the gate, is com-
monly referred to as the transistor threshold voltage and denoted V., (for n-channel
transistors). For gate-source voltages larger than V,, there is an N-type channel
present, and conduction between the drain and the source can occur. For gate-source
voltages less than Vg, it is normally assumed that the transistor is off and no current
flows between the drain and the source. However, it should be noted that this assump-
tion of zero drain-source current for a transistor that is off is only an approximation. In
fact, for gate voltages around V,,. there is no abrupt current change, and for gate-
source voltages slightly less than V,,, small amounts of subthreshold current can
flow, as discussed in Section 1.3. -

When the gate-source voltage, Vgg, is larger than V,,, the channel is present. As
Vgg is increased, the density of electrons in the channel increases. Indeed, the carrier
density, and therefore the charge density, is proportional to Vg — V4, which is often
called the effective gate-source voltage and denoted V4. Specifically, define

Vet = Vs~ Vin (1.54)
The charge density of electrons is then given by
Q, = Cou(Vgs — Vi) = CoxVari (1.55)
Here, C,, is the gate capacitance per unit area and is given by
C,, = oo (1.56)
tox

where K, is the relative permittivity of SiO, (approximately 3.9) and t,, is the
thickness of the thin oxide under the gate. A point to note here is that {1.55) is only
accurate when both the drain and the source voltages are zero.

5. The drain and source regions are sometimes called diffusion regions or junctions for historical reasons.
This use of the word junction is not synonymous with our previous use, in which it designated a pn inter-
face of a diode.
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To obtain the total gate capacitance, (1.56) should be multiplied by the effective
gate area, WL, where W is the gate width and L is the effective gate length. These
dimensions are shown in Fig. 1.10. Thus the total gate capacitance, Cgg, is given by

Cqs = WLC,, (1.57)
and the total charge of the channel, Q_,. is given by

QT-n . WLCox(VGS“th) W WLCoxVeif (1.58)

The gate capacitance, Cg . is one of the major load capacitances that circuits must be
capable of driving. Gate capacitances are also important when one is calculating
charge injection, which occurs when a MOS transistor is being turned off because the
channel charge, Q.. must flow from under the gate out through the terminals to
other places in the circuit.

Next, if the drain voltage is increased above 0 V, a drain-source potential differ-
ence exists. This difference results in current flowing from the drain to the source.’®
The relationship between Vg and the drain-source current, Ip, is the same as for a
resistor, assuming Vg is small. This relationship is given [Sze, 1981] by

W !
Ip = HnanVDs (1.59)

where i, = 0.06 m’/Vs is the mobility of electrons near the silicon surface, and Q,,
is the charge concentration of the channel per unit area (looking from the top down).
Note that as the channel length increases, the drain-source current decreases, whereas
this current increases as either the charge density or the transistor width increases.
Using (1.58) and (1.59) results in

W

w .
ID = HHCOIE(VGS_Vin)VDS 5 uncoxtvelvaS (1.60)

Sio,

Gate

n channel

Fig. 1.10 The important dimensions of a MOS transistor.

6. The current is actually conducted by negative carriers (electrons) flowing from the source to the drain.
Negative carriers flowing from source to drain results in a positive current from drain to source, Ipg .
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where it should be emphasized that this relationship is only valid for drain-source
voltages near zero (i.e., Vpg much smaller than Vgy).

As the drain-source voltage increases, the channel charge concentration decreases
at the drain end. This decrease 1s due to the smaller gate-to-channel voltage difference
across the thin gate oxide as one moves closer to the drain. In Gther words, since the
drain voltage is assumed to be at a higher voltage than the source, there is an increasing
voltage gradient from the source to the drain, resulting in a smaller gate-to-channel
voltage near the drain. Since the charge density at a distance X from the source end of
the channel is proportional to Vg — Vg ,(X) -V, as Vg — V. (X) decreases, the
charge density also decreases.” This effect is illustrated in Fig. 1.11.

Note that at the drain end of the channel, we have

VG_VCh(L) = VGD (1.61)

For small Vg, we saw from (1.60) that I, was linearly related to Vpg. However, as
Vpg increases, and the charge density decreases near the drain, the relationship
becomes nonlinear. In fact, the linear relationship for I versus Vg flattens for larger
Vps, as shown in Fig. 1.12.

Vg >> Vi,

Vg=0

. . VD >0
Depletion region N

n* //'
Increasing x Q. (L) = Cuy(Vap— Vin)
Qn(x) = Co(Vgg— Ven(X) - V)

Qn(O) = Cox(VGS“ th)

Fig. 1.11 The channel charge density for Vg > 0.

w
ID A ID < unCoxt(VGS - Vm)VDS

W Vos Fig. 1.12 For Vg not close to zero, the
Ip = “nCoxr(VGS “V)Vps Ip versus Vg relationship is no longer
linear.

7. Vg — Vou(X) is the gate-to-channel voltage drop at distance X from the source end, with V5 being the
same everywhere in the gate, since the gate material is highly conductive.
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As the drain voltage is increased, at some point the gate-to-channel voltage at the
drain end will decrease to the threshold value V,, — the minimum gate-to-channel
voltage needed for n carriers in the channel to exist. Thus, at the drain end, the chan-
nel becomes pinched off, as shown in Fig. 1.13. This pinch-off occurs at Vgp = Vi,
since the channe! voltage at the drain end is simply equal to Vp. Thus, pinch-oft
occurs for

Voa > -Vin (1.62)

Denoting Vpg.oq as the drain-source voltage when the channel becomes pinched off,
we can substitute Vpg = Vpg— Vgg into (1.62) and find an equivalent pinch-off
expression

Vos > Vossar (1.63)
where Vpg.qq is given® by
Vps.sat = Vas— Vin = Ver (1.64)

The electron carriers travelling through the pinched-off drain region are velocity
saturated, similar to a gas under pressure travelling through a very small tube. If the
drain-gate voltage rises above this critical pinch-off voltage of -V, the charge con-
centration in the channel remains constant (to a first-order approximation) and the
drain current no longer increases with increasing Vpg. The result is the current-
voltage relationship shown in Fig. 1.14 for a given gate-source voltage. In the region
of operation where Vg > Vpgeat, the drain current is independent of Vpg and is
called the active region.” The region where I changes with Vg is called the triode
region. When MOS transistors are used in analog amplifiers, they almost always are
biased in the active region. When they are used in digital logic gates, they often oper-
ate in both regions.

Vg > Vy,

VS = 0
Depletion region M e

Vo > -Vi,

7

Pinch-off for
VGD < Vln

Fig. 1.13  When Vpg is increased so that Vgp <V, the channel becomes pinched off at the drain end.

8. Because of the body effect, the threshold voltage at the drain end of the transistor is increased, resulting
in the true value of Vg ¢, being slightly lower than V.

9_ Historically, the active region was called the saturation region, but this led to confusion because in the
case of bipolar transistors, the saturation region occurs for small Vg , whereas for MOS transistors it
occurs for large Vg The renaming of the saturation region to the active region is becoming widely
acceptad.
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_(VGS_th)

VDSJ I. = nCoxW
2

Iy = u,C,, L[(Vss Vin?Vos -

Vg constant

Active

Triode .  region
region
f ' —p Vos
VDS-sat = Veff

ID = un ox {VGS Vln)VDS

Fig. 1.14 The I versus Vpg curve for on ideal MOS transistor. For
Vos > Vps.sat - [p is approximately constant.

Before proceeding, it i1s worth discussing the terms weak, moderate, and strong
inversion. As just discussed, a gate-source voltage greater than V,, results in an
inverted channel, and drain-source current can flow. However, as the gate-source
voltage is increased, the channel does not become inverted (i.e., N-region) suddenly,
but rather gradually. Thus, it is useful to define three regions of channel inversion
with respect to the gate-source voltage. In most circuit applications, noncutoff MOS-
FET transistors are operated in strong inversion, with Vg > 100 mV (many prudent
circuit designers use a minimum value of 200 mV). As the name suggests, strong
inversion occurs when the channel is strongly inverted. It should be noted that alt the
equation models in this section assume strong inversion operation. Weak inversion
occurs when Vg is approximately 100 mV or more below V,, and is discussed as
subthreshold operation in Section 1.3. Finally, moderate inversion is the region
between weak and strong inversion.

Large-Signal Modelling

The triode region equation for a MOS transistor relates the drain current to the gate-
source and drain-source voltages, It can be shown (see Appendix) that this relation-

ship is given by
W Vs
Ip = Uncox[ ][:(VGS Vin}Vps - TDJ (1.65)
As Vg increases, I increases until the drain end of the channel becomes pinched off,
and then I no longer increases. This pinch-off occurs for Vg = -V, or approxi-
mately,
Vps = Vgs—Vin = Veyy (1.66)

Right at the edge of pinch-off, the drain current resulting from (1.65) and the drain
current in the active region (which, to a first-order approximation, is constant with
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respect to Vg ) must have the same value. Therefore, the active region equation can
be found by substituting (1.66) into (1.65), resulting in

BnCox( W
Ip = 2° {t}\fexﬂ,-vm)2 (1.67)

For Vpg> Vg4, the current stays constant at the value given by (1.67), ignoring
second-order effects such as the finite output impedance of the transistor. This equation
is perhaps the most important one that describes the large-signal operation of a MOS
transistor. It should be noted here that (1.67) represents a squared current-voltage
relationship for a MOS transistor in the active region. In the case of a BJT transistor, an
exponential current-voltage relationship exists in the active region.

As just mentioned, (1.67) implies that the drain current, Ip. is independent of the
drain-source voltage. This independence is only true to a first-order approximation.
The major source of error is due to the channel length shrinking as Vg increases. To
see this effect, consider Fig. 1.15, which shows a cross section of a transistor in the
active region. A pinched-off region with very little charge exists between the drain and
the channel. The voltage at the end of the channel closest to the drain is fixed at
Vas— Vi = Vi . The voltage difference between the drain and the near end of the
channel lies across a short depletion region often called the pinch-off region. As Vpg
becomes larger than V., this depletion region surrounding the drain junction
increases its width in a square-root relationship with respect to Vpg. This increase in
the width of the depletion region surrounding the drain junction decreases the effective
channel length. In turn, this decrease in effective channel length increases the drain
current, resulting in what is commonly referred to as channel-length modulation.

To derive an equation to account for channel-length modulation, we first make
use of (1.11) and denote the width of the depletion region by X, resulting in

X4 = Kasa/Vpon + P
= Kgga/ GDG + Vi + @,

Ko = 2K gy |
0 = (1.69)
gN4

Vas > Vi,

(1.68)

where

Depletion region AL Npg—Ver+ @y Pinch-off region

Fig. 1.15 Channel length shortening for Vpg > Vg .
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and has units of m//V. Note that N a is used here since the n-type drain region is
more heavily doped than the p-type channel (i.e., Ny >> N,). By writing a Taylor
approximation for Iy around its operating value of Vpg = Vg -V, = Vg, we
find I, to be given by

al Kye(Vpg — V
Ip = I + | — oL }AVDS = ID_sa{l as{Vos — Verr) ] (1.70)

— +
dl | dVps 2L Vpg + Vi + @,

where Ip gz is the drain current when Vg = V4, or equivalently, the drain current
when the channel-length modulation is ignored. Note that in deriving the final equa-
tion of (1.70), we have used the relationship dL/dVpg = -dx%,/9Vpgs. Usually,
(1.70) is written as

_ unCox
2

D

W
[I)(VGS—Vm)z[l + A Vpg — V)] (1.71)

where A is the output impedance constant (in units of V') given by
kds kds

L Npgt Vet @ 2L Npg -V, +

Equation (1.71) is accurate until Vg is large enough to cause second-order effects,
often called short-channel effects. For example, (1.71) assumes that current flow
down the channel is not velocity-saturated (i.e., increasing the electric field no longer
increases the carrier speed). Velocity saturation commonly occurs in new technolo-
gies that have very short channel lengths and therefore large electric fields. If Vpg
becomes large enough so short-channel effects occur, Iy increases more than is pre-
dicted by (1.71). Of course, for quite large values of Vg, the transistor will eventu-
ally break down,

A plot of Ip versus Vg for different values of Vg is shown in Fig. 1.16, Note
that in the active region, the small (but nonzero) slope indicates the small dependence
of Ipon Vpg.

A

(1.72)

I, 4 Vps = (Vas~ Vi)

Triode
region

Short-channel
" effects

Fig. 1.16 I versus Vg for different values of Vg
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EXAMPLE 1.8
Find I f(j)’r an n-channel transistor that has doping concentrations of Np = 10%,
Nay = 107, u,Cop = 92 HA/V?, W/L = 20 um/2 um, Vgg = 1.2V,
Vio = 0.8 V,and Vpg = V4. Assuming A remains constant, estimate the new
value of Iy if Vg is increased by 0.5 V.
Solution
From (1.69), we have
- 12
o = sz 11.8x8.1§54>< 1;) X 10w
1.6 x 10~ x 10°
which is used in (1.72) to find A as
9
A = 362 x :iO = 953% 107 v
2x2x 107" % .j0.9
USing (171), we ﬁnd for VDS = Ve” = 0.4 V,
92x10°°}20
I, = |22 —}(0.4)2(1) = 73.6 A
2 2

In the case where Vg = Vg + 0.5V = 0.9 V, we have

Igs = 73.6 WA (1 +Ax03) = 77.1 uA
Note that this example shows almost a 5 percent increase in drain current for a
(.5 V increase in drain-source voltage.

Body Effect

The large-signal equations in the preceding section were based on the assumption
that the source voltage was the same as the substrate (i.e., bulk) voltage. However,
often the source and substrate can be at different voltage potentials. In these situa-
tions, a second-order effect exists that is modelled as an increase in the threshold
voltage, V,,, as the source-to-substrate reverse-bias voltage increases. This effect,
typically called the body effecr, is more important for transistors in a well of a CMOS
process where the substrate doping is higher. It should be noted that the body effect
is often important in analog circuit designs and should not be ignored without consid-
eration.

To account for the body effect, it can be shown (see Appendix at the end of this
chapter) that the threshold voltage of an n-channel transistor is now given by

Vin = Ving + ¥(J/Vsg + [20¢] - J1206]) (1.73)

where V,, is the threshold voltage with zero Vgg (i.e., source-to-substrate voltage),
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and

J2qN LK
y = qCA s€o (174)
ox

The factor v is often called the body-effect constant and has units of JV . Notice that Y
is proportional to /N4 ,'% so the body effect is larger for transistors in a well where
typically the doping is higher than the substrate of the microcircuit.

p-Channel Transistors

All of the preceding equations have been presented for n-channel enhancement tran-
sistors. In the case of p-channel transistors, these equations can also be used if a
negative sign is placed in front of every voltage variable. Thus, Vg becomes Vgg,
Vpg becomes Vgp, V,, becomes —Vy,, and so on. The condition required for con-
duction is now Vgg >V, where V, is now a negative quantity for an enhancement
p-channel transistor.!! The requirement on the source-drain voltage for a p-channel
transistor to be in the active region is Vgp > Vg + Vi, The equations for Ip, in both
regions, remain unchanged, because all voltage variables are squared, resulting in
positive hole current flow from the source to the drain in p-channel transistors. For
n-channel depletion transistors, the only difference is that V4 <0 V. A typical value
mightbe V,y = -2 V.

Small-Signal Modelling in the Active Region

The most commonly used small-signal model for a MOS transistor operating in the
active region is shown in Fig. 1.17. We first consider the dc parameters in which all
the capacitors are ignored (i.e., replaced by open circuits). This leads to the low-
frequency, small-signal model shown in Fig. 1.18. The voltage-controlled current
SOUICE, JmVge 1S the most important component of the model, with the transistor
transconductance gy, defined as

_ 9 (1.75)
Om = WVas .
In the active region, we use (1.67), u;hich is repeated here for convenience,
Cox/W
I, = “"2 °*(I)ves-vm)2 (1.76)

10. For an n-channel transistor. For a p-channel transistor, ¥ is propoertional to Np,.

11. It is possible to realize depletion p-channel transistors, but these are of little value and seldom worth the
extra processing involved. Depletion n-channe! transistors are also seldom encountered in CMOS microcir-
cuits, although they might be worth the extra processing involved in some applications, especially if they
were in a well.
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Coa Iy
<4+
v

gc . OVd

|l .
"
C \a'gS nggs 9sVs
CSb %

gs

1.
T_

. rds- Cdb%
l 3is N

Vs

Fig. 1.17  The smallsignal model for @ MOS transistor in the active region.

Fig. 1.18 The low-frequency, smallsignal model for an active
MQOS transistor. -
and we apply the derivative shown in (1.75) to obtain

dlp
oVas

W
OXL

Vit (1.77)

W
9m = “nCoxt(VGS“th) = HnC

or equivalently,

Om = “ncoxV_LVVeﬂ (1.78)
where the effective gate-source voltage, V., is defined as Vg4 = Vgg— Vin-
Thus, we see that the transconductance of a MOS transistor is directly proportional
to Ve" . -

Sometimes it is desirable to express gy, in terms of Ip rather than Vgg. From
(1.76), we have

Vs = Vit |—co2 (1.79)
HaCox(W/L)
The second term in (1.79) is the effective gate-source voltage, V., where
Ve = Vgg = Vin = __ o (1.80)
HnCox(W/L)

42 of 720




30  Chapter 1 » Integrated-Circuit Devices and Modelling

Substituting (1.80) in (1.78) results in an alternate expression for g, .

W
Om = 2“'nCox_ID (1.81)

L
Thus, the transistor transconductance is proportional to JT) for a MOS ftransistor,
whereas it is proportional to I for a BIT.
A third expression for g, is found by rearranging {1.81) and then using (1.80) to
obtain

21,

Om = o— (1.82)
Vefl’

Note that this expression is independent of p,C,, and W/L, and it relates the
transconductance to the ratio of drain current to effective gate-source voltage. This
simple relationship can be quite useful during an initial circuit design.

The second voltage-controlled current-source in Fig. 1.18, shown as g.v,,
models the body effect on the small-signal drain current, iy. When the source is
connected to smali-signal ground, or when its voltage does not change appreciably,
then this current source c¢an be ignored. When the body effect cannot be ignored,

we have
al ol oV
o= —2 =_°2_1 (1.83)
From (1.76) we have -
al w
aV?n = _UnCox[I}VGS_Vm) = —Om (1.84)
Using (1.73), which gives V,, as
Vin = Ving + 7(J/Vsg + [20¢] - J|20¢]) (1.85)
we have
aVv,, _ Y

(1.86)

Vsa 2 Vsp + 120
The negative sign of (1.84) is eliminated by subtracting the current g v, from the
major component of the drain current, g,Vys, as shown in Fig. 1.18. Thus, using
(1.84) and (1.86), we have

g = _Yg’.“_ (1.87)

2./Vgp + 20

Note that although g is nonzero for Vgg = 0, if the source is connected to the bulk,
AVgg is zero, and so the effect of g does not need to be taken into account. How-
ever, if the source happens to be biased at the same potential as the bulk but is not
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directly connected to it, then the effect of g, should be taken into account since
AVgg is not necessarily zero.

The resistor, fgg, shown in Fig. 1.18, accounts for the finite output impedance
(i.e., it models the channel-length modulation and its effect on the drain current due to
changes in Vg). Using (1.71), repeated here for convenience,

1aCox/W
To =~ fVas — Vi) T1 + A(Vos — V)] (1.88)
we have
1 aID unCox 2
L gy = = X‘i"}v Vi) = Alpe = Ay (189
o g4 WVos 5 " [Ves— Vi ) D-sal D (1.89)

where the approximation assumes A is small, such that we can approximate the drain
bias current as being the same as Ip.gy . Thus,

1

Mg, = — 1.90
ds A (1.90)
where
k
A = ds (1.91)
2L Vpg + (-Ver) + @
and

2K e
Ky = / s (1.92)
qN,

It should be noted here that (1.90) is ofien empirically adjusted to take into account
second-order effects.

EXAMPLE 1.9

Derive the low-frequency model parameters for an n-channel transistor that has
doping concentrations of N = 10°, N A= 102, LGy = 92 pA/ Vi WIL =
20 um/2 um, Vgg = 1.2V, Vi, = 08 V, and Vpg = V. Assume 7y =
0.5 J/V and Vgg = 0.5 V. What is the new value of rgg if the drain-source volt-
age is increased by 0.5 V?

Solution
Since these parameters are the same as in Example 1.8, we have

_ 2l _2x736pA

= = 0.368 mA/V
9m Vi 04V

and from {1.87), we have
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_ 0.5x0.368x10°
2./05+18

Note that this source-bulk transconductance value is about 1/6 that of the gate-
source transconductance.
For ry., we use (1.90) to find

1
953 % 107 x73.6x 107°

= 0.06]1 mA/V

s

Fas = 143 kQ

At this point, it is interesting to calculate the gain g, rys = 52.6, which is the
largest voltage gain this single transistor can achieve for these operating bias
conditions. As we will see, this gain of 52.6 is much smaller than the corre-
sponding single-transistor gain in a bipolar transistor.

Recalling that V. = 0.4 V,if V4 is increased to 0.9 V., the new value for

A is
-9
p= 22X g64x107 V!
2(2x107)J/1.4
resulting in a new value of ry, given by
fye = — : = 170 kQ

Moy 764x107 %721 pA

An alternate low-frequency model, known as a T model, is shown in Fig. 1.19.
This T model can often result in simpler equations and is most often used by experi-
enced designers for a quick analysis. At first glance, it might appear that this model
allows for nonzero gate current, but a quick check confirms that the drain current must
always equal the source current, and, therefore, the gate current must always be zero.
For this reason, when using the T model, one assumes from the beginning that the
gate current is zero.

$ Mas

Fig. 1.19 The smallsignal, low-frequency T model for
an active MOS fransistor {the body effect is not mod-
A elled).
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EXAMPLE 1.10

Find the T model parameter, r., for the transistor in Example 1.9.

Solution
The value of rg is simply the inverse of g, resulting’in
1 1

= St ot oo STV
On  0.368x10°

s

The value of ry, remains the same, either 143 k€ or 170 k€2, depending on the
drain-source voltage.

Most of the capacitors in the small-signal model are related to the physical tran-
sistor. Shown in Fig. 1.20 is a cross section of a MOS transistor, where the parasitic
capacitances are shown at the appropriate locations. The largest capacitor in Fig. 1.20
is Cgq - This capacitance is primarily due to the change in channel charge as a result of
a change in Vgg. It can be shown [Tsividis, 1987] that Cy is approximately given by

X
Cys = %WLCD, (1.93)

When accuracy is important, an additional term should be added to (1.93) to take
into account the overlap between the gate and sosrce junction, which should include
the fringing capacitance (fringing capacitance is due to boundary effects). This addi-
tional component is given by

C.. = WL,C., (1.94)

VSB =0 VGS > th

Polysilicon

pfleld ot b I L Ca | Ciss
implant =
p~ substrate

¥

Fig. 1.20 A cross section of an n-channel MOS transistor showing the small-signal capacitances.
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where L, is the overlap distance and is usually empirically derived. Thus,

Cos = WCO,(@L + Lov) (1.95)

when higher accuracy is needed,

The next largest capacitor in Fig. 1.20 is C’,,, the capacitor between the source
and the substrate. This capacitor is due to the depletion capacitance of the reverse-
biased source junction, and it includes the channel-to-bulk capacitance (assuming the
transistor is on). Its size is given by

Clsp = (Ac+A)Cis (1.96)

where Ay is the area of the source junction, A, is the area of the channel (i.e., WL)
and st is the depletion capacitance of the source junction, given by

C.
Cjy = ——0 (1.97)

Vsp
1+ —
@,

Note that the total area of the effective source includes the original area of the junc-
tion (when no channel is present) plus the effective area of the channel.

The depletion capacitance of the drain is smaller because it does not include the
channel area. Here, we have

C’db = Aded - (].98)

where

C.
Cy = —— (1.99)

Vpg
1+ —
(DO

and A is the area of the drain junction.

The capacitance ng, sometimes called the Miller-capacitor, is important when the
transistor is being used in circuits with large voltage gain. Cgyq is primarily due to the
overlap between the gate and the drain and fringing capacitance. Its value is given by

Cqa = CoxWL,, (1.100)

where, once again, Lov 1s usually empirically derived.

Two other capacitors are often important in integrated circuits. These are the
source and drain sidewall capacitances, Cg,, and Cg,, . These capacitances can be
large because of some highly doped p* regions under the thick field oxide called field
implants. The major reason these regions exist is to ensure there is no leakage current
between transistors. Because they are highly doped and they lie beside the highly
doped source and drain junctions, the sidewall capacitances can result in large addi-
tional capacitances that must be taken into account in determining Cg, and Cy,. The
sidewall capacitances are especially important in modern technologies as dimensions
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shrink. For the source, the sidewall capacitance is given by
Cosw = PCjan (1.101)

where Py is the length of the perimeter of the source junction, excluding the side
adjacent to the channel, and

C Cj-sw(}
j-sw

(1.102)

It should be noted that G, the sidewall capacitance per unit length at 0-V bias volt-
age, can be quite large because the field implants are heavily doped.
The situation is similar for the drain sidewall capacitance, C,,

Caew = PoCi.sw (1.103)

where Py is the drain perimeter excluding the portion adjacent to the gate.
Finally, the source-bulk capacitance, Cy . is given by

Cep = C'ep + Cocu (1.104)

with the drain-bulk capacitance, C,,, given by
Cdb = C'db + Cd-sw (1105)

EXAMPLE 1.11

An n-channel tran51stor is modelled as havmg the following capacitance parametcrs
C,=24x 107 pF/(pm) C] sw = 2.0 0™ pF/um,C,, = 1.9x 10‘3pF/(j.Lm) R
Cgs o = ng oy = 2.0x% 107 pF/pm. Find the capacitances Cgs Cgar Cap, and Cgyy
for a transistor having W = 100 um and L = 2 um. Assume the source and drain
junctions extend 4 um beyond the gate, so that the source and drain areas are A,
Ay = 400 (um) and the perimeter of each is P, = Py = 108 pm.

Solution
We calculate the various capacitances as follows:

Cqs = @)WLCD, +CgeoyxW = 027 pF
Cgq = Cygoy xW = 0.02 pF
Cop = Ci(Ag+WL) +(Ciyy X P,) = 0.17 pF

Cdb = (CjXAd)+(CJ.5wXPd) = 0.12 pF

Note that the source-bulk and drain-bulk capacitances are significant compared
to the gate-source capacitance. Thus, for high-speed circuits, it is important to
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keep the areas and perimeters of drain and source junctions as small as possible
(possibly by sharing junctions between transistors, as seen in the next chapter).

Small-Signal Modelling in the Triode and Cutoff Regions

The low-frequency, small-signal model of a MOS transistor in the triode region (which
is sometimes referred to as the linear region) is a resistor. Using (1.65), the large-signal
equation for I in the triode region,

W Ve
ID = unCox(_L']{(VGSQth)VDS—%j' (1'106)
results in
1 dID W
LI e x(—)(v V-V 1.107
e Qas dVDS Uty L GS tn DS) ( )

where ry is the small-signal drain-source resistance (and Gy is the conductance).
For the common case of Vg near zero, we have

1 W w
Jos = — = anox[_}VGS_th) = “noox[_ﬂ}/eﬂ (1.108)
rds L L

which is similar to the In-versus-Vpg relationship given earlier in {1.60).

EXAMPLE 1.12

For the transistor of Example 1.9, find the triode model parameters when Vg is
near zero.

Solution
From (1.108), we have

Qus = 92 % 10‘,"’><@))x 0.4 = 0368 mA/V

Note that this conductance vatue is the same as the transconductance of the tran-
sistor, Q,,, in the active region. The resistance, Iy, is simply 1/gq, resulting
inrgg = 2.72 k).

The accurate modelling of the high-frequency operation of a transistor in the
triode region is nontrivial (even with the use of a computer simulation). A moder-
ately accurate mode] is shown in Fig. 1.21, where the gate-to-channel capacitance
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V
g
T Gate-to-channe!l capacitance

Ve W Vi
»T 1 T

Channel-to-substrate capacitance

Fig. 1.21 A distributed RC model for a transistor in the active
region.

and the channel-to-substrate capacitance are modelled as distributed elements. How-
ever, the I-V relationships of the distributed RC elements are highly nonlinear
because the junction capacitances of the source and drain are nonlinear depletion
capacitances, as is the channel-to-substrate capacitance. Also, if Vg is not small,
then the channel resistance per unit length should increase as one moves closer to
the drain. This model is much too complicated for use in hand analysis.

A simplified model often used for small Vg is shown in Fig. 1.22, where the
resistance, Ty, is given by (1.108). Here, the gate-to-channel capacitance has been
evenly divided between the source and drain nodes,

Achcox WLCox

C..=C.,= = = 1.109
gs gd > 5 ( )

! Note that this equation ignores the gate-to-junction overlap capacitances, as given by
(1.94), which should be taken into account when accuracy is very important. The
channel-to-subsirate capacitance has also Been divided in half and shared between the
source and drain junctions. Each of these capacitors should be added to the junction-
to-substrate capacitance and the junction-sidewall capacitance at the appropriate

9]
@
Il

Fig. 1.22 A simplified trioderegion model
valid for small Vs
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node. Thus, we have
Ach
Csb-() = Cjo AS+T)+ CP-SWOPS (1.110)
and
Acn
Cdb-O = Cjo Ad + T)"‘ Cj-SWOPd (1.111)

Also,

Cop = —2_ (1.112)

and

= b0 (1.113)

It might be noted that C, is often comparable in size to Cgs due to its larger area and
the sidewall capacitance.

When the transistor turns off, the model changes considerably. A reasonable
model is shown in Fig. 1.23. Perhaps the biggest difference is that ryg is now infinite.
Ancther major difference is that Cg and Cyy are now much smaller. Since the chan-
nel has disappeared, these capacitors are now due to only overlap and fringing capac-
itance. Thus, we have

Cqs = Coa = WL,,Coy (1.114)

However, the reduction of Cy5 and Cyy does not mean that the total gate capaci-
tance is necessarily smaller. We now have a “new” capacitor, Cgb, which is the gate-

Vo

L L
Lo

Vs 00—+ = ———0 V4

1T 1

Fig. 1.23 A smallsignal model for o MOS-
FET that is turned off.

B
I
[}

gd

Cdb
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to-substrate capacitance. This capacitor is highly nonlinear and dependent on the gate
voltage. If the gate voltage has been very negative for some time and the gate is
accumulated, then we have

Cgb = Achcox = VVI_C;‘)x (1115)

If the gate-to-source voltage is around 0 V, then C b 15 equal to Cy, in series with the
channel-to-bulk depletion capacitance and is conmderably smaller, especially when
the substrate is lightly doped. Another case where C gb 1s small is just after a transistor
has been turned off, before the channel has had time to accumulate. Because of the
complicated nature of correctly modelling Cqp when the transistor is turned off,
equation (1.115) is usually used for hand analysis as a worst-case estimate.

The capacitors Cgp, and Cgy, are also smaller when the channel is not present. We
now have

Cebo = ACy (1.116)
and
Cabo = AgCjo (1.117)

1.3 ADVANCED MOS MODELLING

Inthissection, we look at three advanced modelling concepts that a microcircuit designer
is likely to encounter—short-channel effects, subthreshold operaticn, and leakage cur-
rents. -

Short-Channel Effects

A number of short-channel effects degrade the operation of MOS transistors as device
dimensions are scaled down. These effects include mobility degradation, reduced out-
put impedance, and hot-carrier effects (such as oxide trapping and substrate currents).
These short-channel effects will be briefly described here. For more detailed model-
ling of short-channel effects, see [Wolf, 1995].

Transistors that have short channel lengths and large electric fields experience a
degradation in the effective mobility of their carriers due to several factors. One of
these factors is the large lateral clectric field (which has a vector in a direction perpen-
dicular from the gate into the silicon) caused by large gate voltages and short channel
lengths. This large lateral field causes the effective channel depth to change and also
causes more electron collisions, thereby lowering the effective mobility. Another fac-
tor causing this degradation is that, due to large electric fields, carrier velocity begins
to saturate. A first-order approximation that models this carrier-velocity saturation for
electrons is given by

HoE
vy = [+ E/E, (1.118)
where E is the clectrlc field and E_ is the critical electrical field, which might be on
the order of 1.5x 10° V/m. Usmg this equation in the derivation of the Ip-V 4
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characteristics of a MOS transistor, it can be shown [Gray, 1993] that the drain cur-
rent is now given by
C W. »
O o BT (1.119)
2[1+0Vel L
where @ = 1/(LE,) and, for a 0.8-pum technology, might have a typical value of

0.6 V-!. It can be shown that this mobility degradation is equivalent to a finite series
source resistance given by

Ip

SN A ¢
Ecuncuxw

For 1,C,, = 90 WA /V2, this resistance might be on the order of 6 k€2 per um of
width (again, for a 0.8-um-long transistor). This equivalent series source resistance is
typically larger than the physical source resistance. This saturation causes the square-
law characteristic of the current-voltage relationship to be inaccurate, and the true
relationship will be somewhere between linear and square. In many voltage-to-current
conversion circuits that rely on the square-law characteristic, this inaccuracy can be a
major source of error. Taking channel lengths larger than the minimum allowed helps
to minimize this degradation.

Transistors with short channel lengths also experience a reduced output imped-
ance because depletion region variations at the drain end (which affect the effective
channel length) have an increased proportional effect on the drain current. In addition,
a phenomenon known as drain-induced barrier lowering (DIBL) effectively lowers
V; as Vg is increased, thereby further lowering the output impedance of a short-
channel device. This lower output impedance is the main reason that cascode current
mirrors are becoming increasingly popular.

Another important short-channel effect is due to hot carriers. These high-velocity
carriers can cause harmful effects, such as the generation of electron-hole pairs by
impact ionization and avalanching. These extra electron-hole pairs can cause currents
to flow from the drain to the substrate, as shown in Fig. 1.24. This effect can be mod-

Rsx (1.120)

Vg>>V,, Vp>>0

Gate
current

NP

Punch-through
current @ Drain-to-substrate
. K current

) T

Fig. 1.24 Drain-to-substrate current caused by electron-hole pairs generated by impact
ionization at drain end of channel.
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elled by a finite drain-to-ground impedance. As a result, this effect is one of the major
limitations on achieving very high output impedances of cascode current sources. In
addition, this current flow can cause voltage drops across the substrate and possibly
cause latch-up, as the next section describes.

Another hot-carrier effect occurs when electrons gain energies high enough so
they can tunne! into and possibly through the thin gate oxide. Thus, this effect can
cause dc gate currents. However, often more harmful is the fact that any charge
trapped in the oxide will cause a shift in transistor threshold voltage. As a result, hot
carriers are one of the major factors limiting the long-term reliability of MOS transis-
tors. _

A third hot-carrier effect occurs when electrons with enough energy punch
through from the source to the drain. As a result, these high-energy electrons are no
longer limited by the drift equations governing normal conduction along the channel.
This mechanism is somewhat similar to punch-through in a bipolar transistor, where
the collector depletion region extends right through the base region to the emitter. In a
MOS transistor, the channel length becomes effectively zero, resulting in unlimited
current flow (except for the series source and drain impedances, as well as external
circuitry). This effect is an additional cause of lower output impedince and possibly
transistor breakdown.

It should be noted that all of the hot-carrier effects just described are more pro-
nounced for n-channel transistors than for their p-channel counterparts because elec-
trons have larger velocities than holes.

Finally, it should be noted that short-channel transistors have much larger sub-
threshold currents than long-channel devices. -

Subthreshold Operation

| The device equations presented for MOS transistors in the preceding sections are all
based on the assumption that Vi (ie., Vgg — V,) is greater than about 100 mV and
j the device is in strong inversion. When this is not the case, the accuracy of the square-
law equations is poor. If V,; <100 mV, the transistor is in weak inversion and is
: said to be operating in the subthreshold region. In this region, the transistor is more
accurately modelled by an exponential relationship between its control voltage and
current, somewhat similar to a bipolar transistor. In the subthreshold region, the drain
current is approximately given by the exponeniial relationship [Geiger, 1990]

Iy = IDO(Vg)e(qus/"kT) (1.121)
where
C_.+C
n=-—X_T% .5 (1.122)
COX

and it has been assumed that Vg = 0 and Vg > 75 mV . The constant I, might be
around 20 nA.
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Although the transistors have an exponential relationship in this region, the trans-
conductances are still small because of the small bias currents, and the transistors are
slow because of small currents for charging and discharging capacitors. In addition,
matching between transistors suffers because it now strongly depends on transistor-
threshold-voltage matching. Normally, transistors are not operated in the subthreshold
region, except in very low-frequency and low-power applications.

Leakage Currents

An important second-order device limitation in some applications is the leakage cur-
rent of the junctions. For example, this leakage can be important in estimating the
maximum time a sample-and-hold circuit or a dynamic memory cell can be left in
hold mode. The leakage current of a reverse-biased junction (not close to breakdown)
is approximately given by

qAn;

I, =
i o,

Xq (1.123)

where A; is the junction area, n; is the intrinsic concentration of carriers in undoped
silicon, T, is the effective minority carrier lifetime, and X4 is the thickness of the
depletion region. 1, is given by

Ty = %(‘tn +Tp) {1.124)
where 1, and T, are the electron and hole lifetime;. Also, X4 is given by
K€,
Xq = an. (Do + V) (1.125)
and n; is given by
n, = /NNy e BT (1.126)

where N and Ny, are the densities of states in the conduction and valence bands and
Eg is the difference in energy between the two bands.

Since the intrinsic concentration, n;, is a strong function of temperature (it
approximately doubles for every temperature increase of 11 °C for silicon), the leak-
age current is also a strong function of temperature. Roughly speaking, the leakage
current also doubles for every 11 °C rise in temperature. Thus, the leakage current at
higher temperatures is much larger than at room temperature. This leakage current
imposes 2 maximum time on how long a dynamically charged signal can be main-
tained in a high impedance state.

1.4 BIPOLAR-JUNCTION TRANSISTORS

In the early electronic years, the majority of microcircuits were realized using bipolar-
junction transistors (BJTs). However, in the late 1970s, microcircuits that used MOS
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transistors began to dominate the industry, with BJT microcircuits remaining popular
for high-speed applications. More recently, bipolar CMOS (BiCMOS) technologies,
where both bipolar and MOS transistors are realized in the same microcircuit, have
grown in popularity. BICMOS technologies are particularly attractive for mixed analog-
digital applications, and thus it is important for an analog designer to become familiar
with bipolar devices.

Modern bipolar transistors can have unity-gain frequencies as high as 15 to
45 GHz or more, compared to unity-gain frequencies of only 1 to 4 GHz for MOS
transistors that use a technology with similar lithography resolution. Unfortunately, in
bipolar transistors, the base control terminal has a nonzero input current when the
transistor is conducting current (from the collector to the emitter for an npn transistor;
from the emitter to the collector for a pnp transistor). Fortunately, at low frequencies,
the base current is much smaller than the collector-to-emitter current—it may be only
1/100 of the collector current for an npn transistor. For lateral pnp transistors, the
base current may be as large as 1/20 of the emitter-to-collector current.

A typical cross section of an npn bipolar-junction transistor is shown in Fig. 1.25.
Although this structure looks quite complicated, it corresponds approximately to the
equivalent structure shown in Fig. 1.26. In a good BJT transistor, the width of the base

Base

The base contact surrounds
the emitter contact to
minimize base resistance.
SiO, insulator
(field oxide Collector

! nt \ Effective base
Buried collector region region

Substrate or bulk P

Fig. 1.25 A cross section of an npn bipolar-junction transistor.

Base

I

Emittero— nt p n" n* }—o Collector

e
w

Fig. 1.26 A simplified structure of an npn transistor.
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Collector Emitter
I I

IB ¢ ¢ IB ¢

—» <+
Base Base

IC = BIB IE IC = BIB I
= G

= 1005 \ = 201, {
(Typical) Emitter _ (Typical if lateral) Coliector

(@) npn (b) prp

Fig. 1.27 The symbols representing (a) an npn bipolar-junction transistor and (b} a
pnp bipolar-junction transistor.

region, W, is small (typically, less than | pm). Also, as we will see, the base must be
more lightly doped than the emitter.

The circuit symbols used to tepresent npn and pnp transistors are shown in
Fig. 1.27.

Basic Operation

-

To understand the operation of bipolar transistors, we consider here an npn transistor
with the emitter connected to ground, as shown in Fig. 1.28. If the base voltage, Vg, is
less than about 0.5 V, the transistor will be cut off, and no current will flow. We will
see that when the base-emitter pn junction becomes forward biased. current will start
to flow from the base to the emitter, but, partly because the base width is small, a
much larger proportional current will flow from the collector to the emitter. Thus, the
npn transistor can be considered a current amplifier at low frequencies. In other

Holes Yee = 07V

N1

1
t
]
Emitter <‘r :
n* emitter ! p base
—O VCE >03 V
_’ Electrons

n~ collector n

AT

Depletion region

Fig. 1.28 Various components of the currents of an npn transistor.
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words, if the transistor is not cut off and the collector-base junction is reverse biased,
a small base current controls a much larger collector-emitter current,

A simplified overview of how an npn transistor operates follows: When the base-
emitter junction becomes forward biased, it starts to conduct, similar to any forward-
biased junction. The current consists of majority carriers from the base (in this case,
holes) and majority carriers from the emitter (in this case, electrons) diffusing across
the junction. Because the emitter is more heavily doped than the base, there are many
more ¢lectrons injected from the emitter than there are holes injected from the base.
Assuming the collector voltage is large enough so that the collector-base junction is
reverse biased, no holes from the base will go to the collector. However, the electrons
that travel from the emitter to the base, where they are now minority carriers, diffuse
away from the base-emitter junction because of the minority-carrier concentration gra-
dient in the base region. Any of these minority electrons that get close to the collec-
tor-base junction will immediately be “whisked” across the junction due to the large
positive voltage on the collector, which attracts the negatively charged electrons. In
a properly designed bipolar transistor, such as that shown in Fig. 1.25, the vertical
base width, W, is small, and almost all of the electrons that diffuse from the emitter
to the base reach the collector-base junction and are swept across the junction, thus
contributing to current flow in the collector. The result is that the collector current
very closely equals the electron current flowing from the emitter to the base. The
much smaller base current very closely equals the current due to the holes that flow
from the base to the emitter. The total emitter current is the sum of the electron col-
lector current and the hole base current, but since the hole current 1s much smaller than
the electron current, the emitter current is approximately equal to the collector current.

Since the collector current is approximately equal to the electron current flowing
from the emitter to the base, and the amount of this electron current is determined by
the base-emitter voltage, it can be shown (see Appendix at the end of this chapter) that
the collector current is exponentially related to the base-emitter voltage by the rela-
tionship

Vae/Vr

IC = Icse (1127)

where Irg is the scale current. This scale current is proportional to the area of the
base-emitter junction. The base current, determined by the hole current flowing from
the base to the emitter, is also exponentially related to the base-emitter voltage, result-
ing in the ratio of the collector current to the base current being a constant that, to a
first-order approximation, is independent of voltage and current. This ratio, typically
denoted as P, is defined to he

B = I—C (1.128)
where I and Iy are the collector and base currents. Typical values of B are between
50 and 200.

Note that (1.127) implies that the collector current is independent of the.collector
voltage. This independence ignores second-order effects such as the decrease in effec-
tive base width, W, due to the increase in the width of the collector-base depletion
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Transistor
breakdown
region

Veg.sar = 0.3V Ve

m v’L—

Fig. 1.29 Typical plot of I, versus V¢ for o BJT.

region when the collector bias voltage is increased. To illustrate this point, a typical
plot of the collector current, I, as a function of collector-to-emitter voltage, Ve, for
different values of Ig is shown in Fig. 1.29 for a practical transistor. The fact that the
curves are not flat for Vg > Vg o indicates the dependence of Ic on Ve Indeed,
to a good approximation, the dependence is linear with a slope that intercepts the Ve
axis at Vgg = -V for all values of Iy. The intercept voltage value, V,, is called the
Early voltage for bipolar transistors, with a typical value being from 50 V to 100 V.
This dependency results in a finite output impedance {as in a MOS transistor) and can
be modelled by modifying equation (1.127) [Sze, 1981] to be

v
Ig = ICSeV“ENT(l +v°5] (1.129)
A

Large-Signal Modelling

A conducting BJT that has a Vg greater than Vg g, (Which is approximately 0.3 V)
is said to be operating in the active region. Such a collector-emitter voltage is required
to ensure that none of the holes from the base go to the collector. A large-signal model
of a BJT operating in the active region is shown in Fig. 1.30.

Fig. 1.30 A largesignal model for a BJT in the

active region.
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Since Ig = 1o/, we have

I
IB = EEVBE/VT = IBSe
B
which is similar to a diode equation, but with a maltiplying constant of
Ics/B = Ipg. Since Ig = Ig +1¢, we have

Vee/ Vs (1.130)

IE = Ics(%}vag/‘v‘r = IEse\I’rBE/VIT (1.131)
or equivalently
Ic = alg (1.132)
where o has been defined as
p
o= —— 1.133
B+1 ¢ )
and for large values of [}, can be approximated as
1
=1--=1 (1.134)
B

If the effect of Vo on I is included in the model, the current-controlled source, Blg,
should be replaced by a current source given by

I = 315(1 + V_CE]‘ (1.135)
Va
where V, is the Early-voltage constant. This additional medelling of the finite output
impedance is normally not done in large-signal analysis without the use of a computer
due to its complexity.

As the collector-emitter voltage approaches Vep.ga (typicaily around 0.2 to
0.3 V), the base-collector junction becomes forward biased, and holes from the base
will begin to diffuse to the collector. A common model for this case, when the transis-
tor is saturated or in the saturation region, is shown in Fig. 1.31. It should be noted
that the value of Ve o decreases for smaller values of coliector current.

' Ig Ie

—p <+
VB _ro VC
-+
IB = IBSeVBE/VT VCE-sat = 03V
¢ IE = IC+IB
Ve

Fig. 1.31 A largesignal model for a BJT in the sature-
tion region,
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Base-Charge Storage in the Active Region

When a transistor is in the active region, many minority carriers are stored in the base
region (electrons are stored in an NPN transistor). Recall that this minority charge is
responsible for I, so this charge must be removed (through the base contact) before
a transistor can turn off. As in a forward-bias diode, this charge can be modelled as a
diffusion capacitance, C,4, between the base and emitter given by (see Appendix at
the end of this chapter)

I
C, = Tbv—c (1.136)
T

where T, is the base-transit-time constant. Thus, we see that the diffusion capacitance
is proportional to I;. The total base-emitter capacitance, Cp,, will include the base-
emitter depletion capacitance, C;, in parallel with Cy. Normally, however, G is much
less than Cy, unless the transistor current is small, and can often be ignored.

Base-Charge Storage of a Saturated Transistor

When a transistor becomes saturated, the minority-charge storage in the base and, :
even more 5o, in the lightly doped region of the collector, increases drastically. The
major component of this charge storage is due to holes diffusing from the base, :
through the collector junction, and continuing on through the lightly doped N~ epirax-
ial region of the collector to the n* collector région. The N~ epitaxial region is so
named because it is epitaxially grown on a p region. Most of the charge storage occurs
in this region. Also, additional charge storage occurs because electrons that diffused
from the collector are stored in the base, but this charge is normally smaller. The mag-
nitude of the additional charge stored by a transistor that is saturated is given by

Q, = 15(13— IEC) (1.137)

where the base overdrive current, defined to be Iz — I/ is approximately equal to
the hole current from the base to the collector. Normally, in saturation, Ig >> [/,
and (1.137) can be approximated by

Q, = .l (1.138)

The constant Ty is approximately equal to the epitaxial-region transit time, Tg (ignor-
ing the storage of electrons in the base that diffused from the collector). Since the epi-
taxtal region is much wider than the base, the constant T is normally much larger than
the base transit time, the constant Ty, often by up to two orders of magnitude. The spe-
cific value of 1, is usvally found empirically for a given technology.

When a saturated transistor is being turned off, first the base current will reverse.
However, before the collector current will change, the saturation charge, Qg, must be
removed. After Qg is removed, the base minority charge. Q,, will be removed. Dur-
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ing this time, the collector current will decrease until the transistor shuts off. Typi-
cally, the time to remove Qg greatly dominates the overall charge removal.

If the time required to remove the base saturation charge, tg, is much shorter than
the epitaxial-region transit time, Tg, then one can derive a simple expression for the
time required to remove the saturation charge. If the reverse base current {when the
saturation charge is being removed), denoted by Igg. remains constant while Qg is
being removed, then we have [Hodges. 1988]

tt=—= —— = 1, — (1.139)

where T, = Tg.

Normally, the forward base current during saturation, Ig, will be much smaller
than the reverse base current during saturation-charge removal, g . If this were not
the case, then our original assumption that {; << Tg = 1, would not be true. In this
case, the turn-off time of the BIT would be so slow as to make the circuit unusable in
most applications. Nevertheless, the turn-off time for this case, when tg is not much
less than Tg, is given by [Hodges, 1988]

IBR + IB

t, = 75ln Ic (1.140)
Brt =

B

The reader should verify that for Igg >> Ig and Igg >> [/, the expression in
(1.140) is approximately equivalent to the much simpler one in (1.139).

In both of the cases just described, the time required to remove the storage charge
of a saturated transistor is much larger than the time required to turn off a transistor in
the active region. In high-speed microcircuit designs, one never allows bipolar tran-
sistors to saturate, to avoid the long turn-off time that would result.

EXAMPLE 1.13

For t, = 0.2 ns. t, = 100 ns (a small value for 1¢), Iz = 0.2 mA, I =1
mA, § = 100, and Igg = 1 mA, calculate the time required to remove the
base saturation charge using (1.139), and compare it to the time obtained using
the more accurate expression of {1.140). Compare these results to the time
required to remove the base minority charge for the same Igg.

Solution
Using {1.139), we have

1072 x 1074

t =
® 107

= 20 ns (1.141)
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Using (1.140), we have

100 +2%x10™

L1007 | T 17.2 ns (1.142)

t, = 107In \
107+ —
100

which is fairly close to the first result.
The time required for an active transistor to remove the base minority
charge, Q,, is given by
Q 7,1
ty = — = 2% - 02ns (1.143)
Iar Isr

This is approximately 100 times shorter than the time for removing the base sat-
uration charge!

Small-Signal Modelling

The most commonly used small-signal model is the hybrid-m model. This model is
similar to the small-signal model used for MOS transistors, except it includes a finite
base-emitter impedance, r,, and it has no emitter-to-bulk capacitance. The hybrid-n
model is shown in Fig. 1.32. As in the MOS case, we will first discuss the transcon-
ductance, Q. and the small-signal resistances, and then we will discuss the parasitic
capacitances.

The transistor transconductance, ¢,,. is perhaps the most important parameter of
the small-signal model. The transconductance is the ratio of the small-signal coliector
current, i, to the small-signal base-emitter voltage, V. . Thus, we have

i ol
Oy = — = — (1.144)
Ve Ve
Base P ?ch ) . "_c_ Collector
vlIJ o 'W - " O VC

Cre % M Vhe ImVbe o % Ccs

Ly
Ve
Ermnitter

Fig. 1.32 The smallsignal model of an active BJT.
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Recall that in the active region
Ve Vr

I = Iege (1.145)
Then
BIC ICS VBE/V
= = —e " {1.146)
% Wee Vi
Using (1.145) again, we obtain
Ig
= — (1.147
Om v, )
where V1 is given by
VT = E (1.148)
q

and is approximately 26 mV at a room temperature of T = 300 °K. Thus, the trans-
conductance is proportional to the bias current of a BJT. In integrated-circuit design,
it is important that the transconductance {and hence speed) remain temperature inde-
pendent, so the bias currents are usually made proportional to absolute temperature

(since V7 is proportional to absolute temperature).

The presence of the resistor r, reflects the fact that the base current is nonzero.

We have
Ve
T

-~

Because from (1.130) we have

we therefore have

| 0ls _ los veewr

. oVge BVy
Using (1.150) again, we have

Vs
f, = —
n ]_B
or equivalently,
Vi B
rﬂ = B— = —-—
IC Om
Since
ig = Ic+1y
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we also have
dle _ dl, . dlg
oVge  dVgeg dVge
I

= Gmt =

p
e

O
o

(1.155)

Some alternative models, usually called T models (see page 55), use the emitter resis-
tance, r,, where

aVv
o= .2 (1.156)
aIE gm
Continuing, we have
dl
1_ 2t (1.157)
r, 9Vge

The small-signal resistance, r,, models the dependence of the collector current on the
collector-emitter voltage. Repeating (1.129) herg for convenience,

\%
Ig = ICSeVBENT[l +£) (1.158)
Va
we have
al I
L _ 9c _ los VeerVr (1.159)
o OVge Vi
Thus,
Va
r,o= A (1.160)
I¢

which is inversely proportional to the collector current. As an aside, note that g,,f, =
Va7V is a constant value independent of the transistor operating point. This con-
stant is usually between 2,000 and 8,000 for an npn BJT and is an upper limit on the
attainable voltage gain for a single-transistor amplifier.

The resistor r, models the resistance of the semiconductor material between the
base contact and the effective base region due to the moderately lightly doped base p
material (see Fig. 1.25). This resistor, although smatl (typically a few hundred ohms),
can be important in limiting the speed of very-high-frequency low-gain BIT circuits
and is a major source of noise.
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EXAMPLE 1.14

For [, = 1 mA, f = 100. and V, = 100 V., calculate g, I, le, Ty, and
Cmle-
Solution
We have
Ic 10x107 A

= — = ————— = 3B5mA/V l1.161
Im Vy 0.026 V (16D
r, = B = 26 k@2 (1.162)
Im
100
=% - (—)26 = 2570 (1.163)
gn  \OI
v
L= 22190 ke (1.164)
IC 104
and gyl the maximum possible gain with a single-transistor amplifier, is given
by
Va
Omle = 7 = 3.846, (1.165)
Vr

Note that this gain is much higher than the 52.6 that was found for a single MOS
transistor in Example 1.9. Also note that this BJT maximum gain is independent
of the bias current, For MOS transistors, it can be shown that the maximum gain
decreases with larger bias currents in a square-root relationship. This is one of
the reasons why it is possible to realize a single-transistor BJT amplifier with a
much larger gain than would result if a MOS transistor were used, especially at
high current levels (and therefore at high frequencies).

The high-frequency operation of a BJT is limited by the capacitances of the
small-signal model. We have already encountered one of these capacitances, Gy, in
Section [.l. Recapping. we have

Cpe = Cj+Cd (1.166)

where G is the depletion capacitance of the base-emitter junction. For a forward-
biased junction, a rough approximation for Cj is

The diffusion capacitance. Cy. is given in (1.136) as
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I
Cy = Tyrs = Gy (1.168)
Vr
The capacitor, C,, models the depletion capacitance of the collector-base junction.
Since this is a graded junction, we can approximate C, by

ACC]CU

1/3
{1 Ve
+ —_—
Do

where A is the effective area of the collector-base interface.

Due to the lower doping levels in the base and especially in the collector {perhaps
5 % 10% acccptors/m3 and 10%! donors/m’, respectively), @, the built-in potential
for the collector-base junction, will be less than that of the base-emitter junction (per-
haps 0.75 V as opposed to 0.9 V). It should be noted that the cross-sectional area of
the collector-base junction, Ag, is typically much larger than the effective area of the
base-emitter junction, Ag, which is shown in Fig. 1.25. This size differential results in
Ag Cj being larger than Ag Cie, the base-emitter junction capacitance at 0 V bias,
despite the lower doping levels.

Finally, another large capacitor is Cq, the capacitance of the collector-to-
substrate junction. Since this area is quite large, Cy, which is the depletion cap-
acitance that results from this area, will be much larger than either Cgy, or the
depletion capacitance component of Cy,, that is, C;. The value of C.g can be cal-
culated using -

A;C
- TSt (1.170)

cs [ VCS)IQ
I+
(Ds{)

Cep = (1.169)

where Ay is the effective transistor area and C,4 is the collector-to-substrate capaci-
tance per unit area at 0-V bias voltage.

A common indicator for the speed of a BIT is the frequency at which the transis-
tor's current gain drops to unity, when its collector is connected to a small-signal
ground. This frequency is denoted f, and is called the transistor unity-gain frequency.
We can see how this frequency is related to the transistor model parameters by ana-
lyzing the small-signal circuit of Fig. 1.33. In the simplified model in part b, the resis-
tor r, is ignored because it has no effect on iy, since the circuit is being driven by a
perfect current source. We have

] .
Vie = ip| el 1 (1.171)
€ b[ Scbe SCCbJ
and
i = GnVoe (1.172)
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| (a)
it le
—»> . <+
I, Chee J— r % Cu J—tvbe ImVbe
t 11 1 [ |
(b)

Fig. 1.33 [a) A smallsignal model used to find f,; (6} an equivalent simplified model.

Solving for i / i, gives

e _ O
i 1+8(Cpe+Ceply

(1.173)

At low frequencies, the current gain is g,,f,, which equals the expected value of B
(using (1.153)). At high frequencies, i, / iy, is approximately given by
OmMx m

= = 1.174
(m)‘ @(Cpe + Cop)ly 0(Cpe + Cgp) ( )

le

I

To find the unity-gain frequency, we set |(i,/i,)(®@,)| = 1 and solve for ©,, which

results in
Om
@ = — 1.175
! Cbe + ch ( )
or
f, = _ O (1.176)
21(Che + Cop)

Often, either f,, . or T, = 1/w, will be specified for a transistor at a particular bias cur-
rent. These values indicate an upper limit on the maximum frequency at which the
transistor can be effectively used.

The hybrid-m model is only one of a number of small-signal models that can be
used. One common alternative is the low-frequency T model shown in Fig. 1.34. Use
of this T model often results in a much simplified analysis, compared to use of the
hybrid-n model, and thus it is useful for hand analysis.
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Fig. 1.34 A lowfrequency, smallsignal T
model for an active BjT,

1.5 DEVICE MODEL SUMMARY

As a useful aid, all of the equations for the large-signal and small-signal modelling of
diodes, MOS transistors, and bipolar transistors, along with values for the various
constants, are listed in the next few pages.

Constants
q=1602x10"C k= 138x107% JK
N, = 1.1x 10" carriers/m? at T = 300 °K g, = 8854 %10 F/m
Kox = 39 Ks = 11.8
i, = 0.05 m>/V s Kp = 0.02 m2/V -5
Diode Equations

Reverse-Biased Diode (Abrupt Junction)

C v
Cj= —= Q = 2C,®, 1+

l+\E o

K., NpN lqK.e,N

20, Ny +Np 2,

iy
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Forward-Biased Diode

Ig=A 2( Dn | Do J
Vo Vg = qn;| —— +
ST UPTILNG LN

ID = Ise

kT
Vi = E = 26 mV at 300 °K

Small-Signal Model of Forward-Biased Diode

VT CT = Cd + Cj
I'd = —
Ip
ID C = 2Cﬂ
C — i | i
d TTVT
LZ
MOS Transistor Equations

The following equations are for N-channel devices—for p-channel devices, put nega-

tive signs in front of all voltages. These equations do not account for short-channel
effects (i.e., L < 2L )-

Triode Region (Vgs> Vin, Vps< Vog)

W Vi
Ip = Uncox[f){(vGS_th)VDS_—zD_s

Veif = VGS - th

Vin = Vino+ 1(JVsp + 20 - m)
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kT (NA) 2gK e,N,
q)F = —'—lﬂ I ‘y = —_—
q n; Cox
K,.€
Cox = tox ¢

L 1.
o1,
L L.
1 1

- =1

ds = —
w

ncox[t)"/eff

1
Cya = Cgs = EWLCOX+WL0vCox Cep = Cgp =

Cio(As + WL/2)
Vo

1+ =

@,

Active (or Pinch-Off) Region (Vgg > Vi, Vpg= Vo)

MnC W 2
= 5T Vas = Vi) 11 + AVos V)]

A o ! Vin = Vino + Y(JVsp + 20 — /20¢)
L/ Vog = Ve + @y

D

oI,

Vot = Vos—Vin = [————
eff GS ™ Vin L CoW/L
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Small-Signal Model (Active Region)

1.5 Device Model Summary

Caa
- |1 .
Vg O- 1
+ | Cgs
Vgs T ImVgs + s AR

| l -
rdS Cdb I

Cop = Vs
gm = unCOX[V-Ef)VEff gm = JZHHCDX(W/L)ID
215 YOm
Om = v Qs = ——/————
eff 2.,‘VSB+ ‘2¢’F‘
oo 9. = 029y,
ds Al -
A = krcss, K - 2K580
2L, /Vpg — Ve + D s qN,
Cos = TWLC, + WL, Gy | 00 = WhorCor
Csb = (AS+WL)CjS+ PSC']-SW C _ Cln
B TV o,
Cap = AdCid"'pde-sw C. = C]U
g= —2
T+ Ve 0,

Typical Values for a 0.8-yum Process
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Cox = 1.9% 107 pF/(um)* C, = 2.4x10™ pF/(um)’ ;
:-
Cisw = 20 107 pE/um Cosioveriapy = 2:0% 107 pF/pum :
b = 034V D, =09V
y=05V"’ t,, = 0.02 um
Ng = 6x 10°' impurities/m’ g

Bipolar- Junction Transistors

Active Transistor

Vg 'V
IC = Icse R VT = kT = 26 mV at 300 °K

q

Vge/V Vee
For more accuracy, I¢ = Igge ™ T(l + —-)

Va
AEC‘Dnni2 — IC )
lgg = ——— ~lg == 3
WN, B ;
NpL
Ig = (1 +l)IC = lIC = (B+Dlg p = Lo = DaNoly =25-2"F
B o Iy D NAW N W
_ B
“= 1+B
Small-Signal Model of an Active BJT
Base M ~ Cy ic  Collector
Vp O—==AN 1 ” ' 1 4 0 v,

iy +

Cbe :": Fe Vhe ImVhbe o J_I Ccs

Emitter
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I Vv
gm = ..E rT[ = —T = E
VT IB Om
vV
re = E— rO = —A
Gr Io
Va Ie
Omlo = V_T Cd = TbV_T = OmTe
Cpe = G+ Cy C. = ArCiso
o8 [1 V_cs]”:
Dy
ACCjco
Ces Vegy 3
(o)
Dy

1.6 SPICE-MODELLING PARAMETERS
This section briefly describes some of the important model parameters for diodes,
bipolar transistors, and MOS transistors used during a SPICE simulation. It should be
noted here that not all SPICE model parameters are described. However, enough are
described to enable the reader to understand the relationship between the relative
parameters and the corresponding constants used when doing hand analysis.

Diode Model

There are a number of important dc parameters. The constant Ig is specified using
cither the parameter 1S or IS in SPICE. These two parameters are synonyms, and only
one should be specified. A typical value specified for Ig might be between 107% A
and 107" A for small diodes in a microcircuit. Another important parameter is called
the emission coefficient, n. This constant multiplies V¢ in the exponential diode I-V
relationship given by

Ve (nVr)

Ip = Ise (1.177)

The SPICE parameter for n is N and is defaulted to 1 when not specified (1 is a rea-
sonatle value for junctions in a microcircuit). A third important dc characteristic is
the series resistance, which is specified in SPICE using RS. It should be noted here
that some SPICE programs allow the user to specify the area of the diode, whereas
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others expect absolute parameters that already take into account the effective area.
The manual for the program being used should be consulted.

The diode transit time is specified using the SPICE parameter TT. The most
important capacitance parameter specified is CJ. CJO and CJ are synonyms—one
should never specify both. This parameter specifies the capacitance at 0-V bias. Once
again, it may be specified as absolute or as relative to the area (i.e., F/m’ ), depend-
ing on the version of SPICE used. Also, the area junction grading coefficient, MJ,
might be specified to determine the exponent used in the capacitance equation. Typi-
cal values are 0.5 for abrupt junctions and (.33 for graded junctions. In some SPICE
versions, it might also be possible to specify the sidewall capacitance at 0-V bias as
well as its grading junction coefficient. Finally, the built-in potential of the junction,
which is also used in calculating the capacitance, can be specified using PB. PHI, VJ,
and PHA are all synonyms of PB.

Reasonably accurate diode simulations can usually be obtained by specifying
only IS, CJ, MI, and PB. However, most modern versions of SPICE have many more
parameters that can be specified if one wants accurate temperature and noise simula-
tions. Users should consult their manuals for more information.

Table 1.1 summarizes some of the more important diode parameters. This set of
parameters constitutes @ minimal set for reasonable simulation accuracy under ordi-
nary conditions.

MOS Transistors

Modern MOS models are quite complicated, so only some of the more important MOS
parameters used in SPICE simulations are described here. These parameters are used
in what are called the Level 2 or Level 3 models. The model level can be chosen by
setting the SPICE parameter LEVEL to either 2 or 3. The oxide thickness, t,,, is spec-
ified using the SPICE parameter TOX. If it is specified, then it is not necessary to
specify the thin gate-oxide capacitance (C,,, specified by parameter COX). The
mobility. L, can be specified using UO. If UO is specified, the intrinsic transistor con-
ductance (1,C,, ) will be calculated automatically, unless this automatic calculation
is overridden by specifying either KP (or its synonym, BETA). The transistor thresh-
old voltage at Vg = 0 V, V., is specified by VTO. The body-effect parameter, 7,

Table 1.1 Important SPICE parameters for modelling diodes

SPICE Model

Parameter Constant Brief Description Typical Value
IS Ig Transport saturation current 1077 A

RS Ry Series resistance 30 Q

TT 1T Dicde transit time 12 ps

CJ Cio Capacitance at 0-V bias 0.01 pF

MIJ m, Diode grading coefficient exponent 0.5

PB I, Built-in diede contact potential 0.9V
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can be specified vsing GAMMA, or it will be automatically calculated if the substrate
doping, N, is specified using NSUB. Normally, one would not want SPICE to calcu-
late ¥ because the effective substrate doping under the channel can differ significantly
from the substrate doping in the bulk due to threshold-voltage adjust implants. The
output impedance constant, A, can be specified using LAMBDA. Normally,
LAMBDA should not be specified since it takes precedence over internal calculations
and does not change the output impedance as a function of different transistor lengths
or bias voltages (which should be the case). Indeed, modelling the transistor output
impedance is one of weakest points in SPICE. If LAMBDA is not specified, it is cal-
culated automatically. The surface inversion potential, |2¢g|, can be specified using
PHI, or it will be calculated automatically. Another parameter usually specified is the
lateral diffusion of the junctions under the gate, L, which is specified by LD. For
accurate simulations, one might aiso specify the resistances in series with the source
and drain by specifying RS and RD (typically only the source resistance is important}.
Many other parameters exist to model such things as short-channel effects, subthresh-
old effects, and channel-width effects, but these parameters are outside the scope of
this book.

The modelling of parasitic capacitances in SPICE is quite involved. Originally,
this modelling was not very accurate since it did not include charge conservation for
the gate charge. However, this modelling has greatly improved in recent commercial
versions of SPICE. The capacitances under the junctions per unit area at (-V bias,
(i.e., Cjo) can be specified using CJ or can be calculated automatically from the speci-
fied substrate doping. The sidewall capacitances at 0 V, Cj gy, should normally be
specified using CISW because this parameter is used to calculate significant parasitic
capacitances. The bulk grading coefficient specified by MJ can usually be defaulted to
0.5. Similarly, the sidewall grading coefficient specified by MISW can usually be
defaulted to 0.33 (SPICE assumes a graded junction). The built-in bulk-to-junction
contact potential, @, can be specified using PB or defaulted to 0.8 V (note that 0.9 V
would typically be more accurate, but the resulting simulation differences are small).
Sometimes the gate-to-source or drain-overlap capacitances can be specified using
CGSO or CGDO, but normally these would be left to be calculated automatically
using COX and LD.

Some of the more important parameters that shouid result in reasonable simula-
tions {except for modelling short-channel effects) are summarized in Table 1.2 for
both n- and p-channel transistors. Table 1.2 lists reasonable parameters for a typical
0.8-um technology. '

Bipolar Junction Transistors

For historical reasons, most parameters for modelling bipolar transistors are specified
absolutely. Also, rather than specifying the emitter area of a BIT in ( um)2 on the line
where the individual transistor connections are specified, most SPICE versions have
multiplication factors. These multiplication factors can be used to automatically mul-
tiply parameters when a transistor is composed of several transistors connecled in par-
allel. This multiplying parameter is normally called M.
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Table 1.2 A reasonable set of MOS parameters for a typical 0.8-um technology

SPICE Model
Parameter Constant Brief Description Typical Value
VTO Vm:th Transistor threshold voltage (in V) 0.7:-0.9
uo Hnilp Carrier mobility in bulk (in em%/V ) - 5001175
TOX tox Thickness of gate oxide (in m) 1.8x 107
LD Lp Lateral diffusion of junction under gate (in m) 6x 1078
GAMMA i Body-effect parameler _ 0.5.08
NSUB Na:Ng  The substrate doping (in cm™) 3% 1016:7.5 % 1016
PHI |20 Surface inversion potential {in V) 0.7
PB LN Built-in ¢ontact potential of junction to bulk (in V) 0.9
I Ciu Junction-depletion capacitance at -V bias (in F/m™) 2.5 x 107 :4.0% 107
CISwW Ciewo Sidewall capacitance at 0-V bias (in F/m) 2010728 x 107"
MI m, Bulk-to-junction exponent (grading coefficient) 0.5
MISW Mgy Sidewall-to-junction exponent (grading coefficient) 0.3

The most important dc parameters are the transistor current gain, 3, specified by
the SPICE parameter BF; the transistor-transport saturation current, Irg, specified
using the parameter IS; and the Early-voltage constant, specified by the parameter
VAF. Typical values for these might be 100, 1077 A. and 50 V, respectively. If one
wants to model the transistor in reverse mode (where the emitter voltage is higher
than the collector voltage for an npn), then one might specify BR, ISS, and VAR, as
well; these are the parameters that correspond to BIF, IS, and VAF in the reverse
direction. Typically, this reverse-mode modelling is not important for most circuits.
Some other important de parameters for accurate simulations are the base, emitter,
and collector resistances, which are specified by RB, RE, and RC, respectively. It is
especially important to specify RB (which might be 200 £2 to 500 Q).

The important capacitance parameters and their corresponding SPICE parameters
include the depletion capacitances at 0-V bias voltage, CIE, CIC, CJS; their grading
coefficients, MJE, MJC, MJS: and their built-in voltages, VIE, VIC, VIS, for base-
emitter, base-collector, and collector-substrate junctions. Again, the -V depletion
capacitances should be specified in absolute values for a unit-sized transistor. Normally
the base-emtitter and base-collector junctions are graded (i.e., MJE, MIC = 0.33),
whereas the collector-substrate junction may be either abrupt (MIS = 0.5) or graded
(MJS =0.5). depending on processing details. Typical built-in voltages might be (.75 V
to 0.8 V. In addition, for accurate simulations, one should specify the forward-base
transit time, T, specified by TF. and., if the transistor is to be operated in reverse mode
or under saturated conditions, the reverse-base transit time, Tg, specified by TR.

The most important of the model parameters just described are summarized in
Table 1.3.

Once again, many other parameters can be specified if accurate simulation is
desired. Other parameters might include those to model B degradation under high or
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Table 1.3 The most important SPICE parameters for modeliing BJTs

SPICE Model

Parameter Constant Brief Description Typical Value
BF B Transistor current gain in forward direction 100

ISS Ies Transport saturation current in forward direction 2x 107 A
VAF Va Early voltage in forward direction 50V

RB My Series base resistance 500 ©

RE Re Series emitter resistance 30 Q

CIE Cjeo Base-emitter depletion capacitance at 0 V 0.015 pF
CIC CjeO Base-collector depletion capacitance at 0 V 0.018 pF
CIS Cieo Collector-substrate depletion capacitance at 0 V 0.040 pF
MIJE m, Base-emitter junction exponent (grading factor) 0.30

MIC m, Base-collector junction exponent (grading factor) 0.35

MIS m, Collector-substrate junction exponent (grading factor)  0.29

TF T Forward-base transit time 12 ps

TR TR Reverse-base transit time 4 ns

low current applications and parameters for accurate noise and temperature analysis.
Readers shouid refer to their SPICE manuals for descriptions of these parameters.

1.7 APPENDIX

The purpose of this appendix is to present derivations for device equations that rely
heavily on device physics knowledge. Specifically, equations are derived for the
exponential relationship and diffusion capacitance of diodes, for the threshold voltage
and triode relationship for MOS transistors, and for the exponential relationship and
base charge storage for bipolar transistors.

Diode Exponential Relationship

The concentration of minority carriers in the bulk, far from the junction, is given by
Eqs. (1.2) and (1.4). Close to the junction, the minority-carrier concentrations are
much larger. Indeed, the concentration next to the junction increases exponentially
with the external voltage, V,, that is applied in the forward direction. The concentra-
tion of holes in the n side next to the junction, p,, is given by [Sze, 1981]

2
n.

b, = aneVD/VT _ v (L178)
No

Similarly, the concentration of electrons in the p side next to the junction is given by
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vorve My vpevp
Ny = Npo€ = N—e (1.179)
A
As the carriers diffuse away from the junction, their concentration exponentially
decreases. The relationship for holes in the n side is

Pn(X) = pn(O)e"‘/L" (1.180)

where X is the distance from the junction and L is a constant known as the diffusion
length for holes in the n side. Similarly, for electrons in the p side we have

no(x) = ny(0ye™ (1.181)

where L, is a constant known as the diffusion length of electrons in the p side. Note
that p,, (0) and Ny {0) are given by (1.178) and (1.179), respectively. Note also that the
constants L, and L, are dependent on the doping concentrations N, and Np, respec-
tively.

The current density of diffusing carriers moving away from the junction is given
by the well-known diffusion equations [Sze, 1981). For example, the current density
of diffusing electrons is given by

dnp(x)

Jp.. = —qD 1.182
D-n qu, dx ( )

where D, is the diffusion constant of electrons in the p side of the junction. The nega-
tive sign is present because electrons have hegative charge. Note that D, =
(KT/q)LL, . where L, is the mobility of electrons. Using (1.181), we have

dn,(x n(0) - n {x
pX) _ M0 oty _ MyX) .
dx L, L,
Therefore
qD,
Jpg = N (X) (1.184)
L,

Thus, the current density due to diffusion is proportional to the minority-carrier con-
centration. Next to the junction, all the current flow results from the diffusion of
minority carriers. Further away from the junction, some of the current flow is due to
diffusion and some is due to majority carriers drifting by to replace carriers that
recombined with minority carriers or diffused across the junction.

Continuing, we use (1.179) and (].184) to determine the current density next to
the junction of electrons in the p side:

qDy,

‘JD-n = I-n np(o)

(1.185)
ann_izevD/vT

Lo Na

79 of 720




1.7 Appendix 67

For the total current of electrons in the p side, we multiply (1.185) by the effec-
tive junction area, Ay . The total current remains constant as we move away from
the junction since, in the steady state, the minority carrier concentration at any par-
ticular location remains constant with time. In other words, if the current changed as
we moved away from the junction, the charge concentrations would change with
time. ,

Using a similar derivation, we obtain the total current of holes in the n side, I,
as

2
ADanni eVD"’VT

. 1.186
TN (1.186)

Ipp =
where Dy, is the diffusion constant of electrons in the p side of the junction, L is the
diffusion length of holes in the n side, and Ng is the impurity concentration of donors
in the n side. This current, consisting of positive carriers, flows in the direction oppo-
site to that of the flow of minority electrons in the p side. However, since electron car-
riers are negatively charged, the direction of the current flow is the same. Note also
that if the p side is more heavily doped than the n side, most of the carriers will be
holes, whereas if the n side is more heavily doped than the p side, most of the carriers
will be clectrons,

The total current is the sum of the minority currents at the junction edges:

i D D
Ip = Apqnj| —o + —2 """ (1.187)
LN, L;Np
Equation (1.187) is often expressed as
Ip = Ige"™"" (1.188)
where
R D D
Is = Apanj| —— + —— (1.189)
LN, L,Np

Equation (1.138) is the well-known exponential current-voltage relationship of forward-
biased diodes.

The concentrations of minority carriers near the junction and the direction of cur-
rent flow are shown in Fig. 1.35.

Diode-Diffusion Capacitance

To find the diffusion capacitance, Gy, we first find the minority charge close to the
junction, Q. and then differentiate it with respect to V. The minority charge close
to the junction, Qg, can be found by integrating either (1.180) or (1.181) over a few
diffusion lengths. For example, if we assume Ny, the minority electron concentration
in the p side far from the junction is much less than ng{0}, the minority electron con-
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Direction of positive current

<l

Hele * %
diffusion Pa Mo n,(0) Electron ¢
— 4  Immobile diffusion
p.(0) charge
_ \‘ ++ 4 |- ny(0)e™"\r
pn(O)e P F + + + |-- 0
+ ++ (-~
Pro + ++|-- Moo z
. o
Xy n side — p side Xn

Depletion region

Fig. 1.35 The concentration of minority carriers and the direction of diffusing carriers
near a forward-biased junction.

centration at the junction edge, we can use (1.181) to obtain

Q, = qADj:np(x)dx

= qADj:np(O)e_X/L"dx (1.190) 2
= gApL.n,(0) "_
Using (1.4) for n,(0) results in :
A L.n’
Q, = 220 Vorvy (1.191)
Na
In a similar manner, we also have
AL n!
Q, = J70mnll g Vo (1.192)
Np

For a typical junction, one side will be much more heavily doped than the other
side, and therefore the minority charge storage in the heavily doped side can be
ignored since it will be much less than that in the lightly doped side. Assuming the n
side is heavily doped, we find the total charge, Qq, to be approximately given by Qp,
the minority charge in the p side. Thus, the small-signal diffusion capacitance, Gy, is
given by

dQ, dQ, qADLnnfeVD,VT
dvp, — dVpy NV,

I

C, = (1.193) L

Using (1.187) and again noting that N >> N,, we have
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Cy = ;—:\I/—i (1.194)
Equation (1.194) 1s often expressed as
Cqy= ITI—D ) (1.195)
Vi
where T is the transit time of the diode given by
: L?]
T = D_n (1.196)

for a single-sided diode in which the n side is more heavily doped.

MOS Threshold Voltage and the Body Effect

Many factors affect the gate-source voltage at which the channel becomes conductive.
These factors are as follows:

1. The work-function difference between the gate material and the substrate
material

2. The voltage drop between the channel and the substrate required for the
channel to exist -

3. The voltage drop across the thin oxide required for the depletion region, with
its immobile charge, to exist

4, The voltage drop across the thin oxide due to unavoidable charge trapped in
the thin oxide

5. The voltage drop across the thin oxide due to implanted charge at the surface
of the silicon. The amount of implanted charge is adjusted in order to realize
the desired threshold voltage. '

The first factor affecting the transistor threshold voltage, Vy,, is the built-in Fermi
potential due to the different materials and doping concentrations used for the gate
material and the substrate material. If one refers these potentials to that of intrinsic sil-
icon [Tsividis, 1987], we have

kT /N
Or.cate = Eln[f) (1.197)

for a polysilicon gate with doping concentration Np, and

kT n;
Drsup = q ln(N—A) (1.198)

for a p substrate with doping concentration N,. The work-function difference is then
given by
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Oums = Or.sub — Pr-gate
NoN
=gh{ b A] (1.199)

q n?

The next factor that determines the transistor thresheld voltage is the voltage drop
from the channel to the substrate, which is required for the channel to exist. The ques-
tion of exactly when the channel exists does not have a precise answer. Rather, the
channel is said to exist when the concentration of electron carriers in the channel is
equal to the concentration of holes in the substrate. At this gate voltage, the channel is
said to be inverted. As the gate voltage changes from a low value to the value at which
the channel becomes inverted, the voltage drop in the silicon also changes, as does the
voltage drop in the depletion region between the channel and the bulk. After the chan-
nel becomes inverted, any additional increase in gate voltage is closely equal to the
increase in voltage drop across the thin oxide. In other words, after channel inversion,
gate voltage variations have little effect on the voltage drop in the silicon or the deple-
tion region between the channel and the substrate.

The electron concentration in the channel is equal to the hole concentration in the
substrate when the voltage drop from the channel to the substrate is equal to two times
the difference between the Fermi potential of the substrate and intrinsic silicon, ¢,

where
KT, (Na
= —— ln(— 1.200
o = — () (1.200)
Equation (1.200) is a factor in several equations used in modelling MOS transistors.
For typical processes, ¢ can usually be approximated as 0.35 V for typical doping
levels at room temperature.

The third factor that affects the threshold voltage is due to the immobile negative
charge in the depletion region left behind after the p mobile carriers are repelled. This
effect gives rise to a voltage drop across the thin oxide of -Qg/C,,, where

Qg = —-qNxXq (1.201)

and X, is the width of the depletion region. Since

K ey
Xg = (2KsEo[20¢ (1.202)
qN,

Qg = —.J2qN, K eo[20¢] (1.203)

The fourth factor that determines Vy, is due to the unavoidable charge trapped in
the thin oxide. Typical values for the effective ion density of this charge, N,,, might
be 2 x 104 to 1015 ions/m”’. These ions are almost always positive. This effect gives
rise to a voltage drop across the thin oxide, V,, given by

-Q -gN
Vm( — ox — q [s2.4
COX COX

we have

(1.204)
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The native transisior threshold voltage is the threshold voltage that would occur natu-
rally if one did not include a special ion implant used to adjust the threshold voltage.
This value is given by

Vinatve = Oms —20F - % - % (1.205)

COX COX
A typical native threshold value might be around —0.1 V. It should be noted that tran-
sistors that have native transistor threshold voltages are becoming more important in cir-
cuit design where they might be used in transmission gates or in source-follower buffers.

The fifth factor that affects threshold voltage is a charge implanted in the silicon
under the gate to change the threshold voltage from that given by (1.205) o the
desired value, which might be 0.7 V for an n-channel transistor.

For the case in which the source-to-substrate voltage is increased, the effective
threshold voltage is increased. This is known as the body effect. The body effect occurs
because, as the source-bulk voltage, Vgg, becomes larger, the depletion region
between the channel and the substrate becomes wider, and therefore more immobile
negative charge becomes uncovered. This increase in charge changes the third factor
in determining the transistor threshold voltage. Specifically, instead of using (1.203) to
determine Qpg, one should now use

Qg = _'\/quAng(}(VSB+l2¢F|) (1.206)

If the threshold voltage when Vgg = 0 is denoted Vy,q, then, using (1.205) and (1.206),
one can show that b

Vin = Vino + AV,

J2qNK g,

CDX
Vino + 'Y(A,/Vsa + 206 - «/|2¢F|)

Vino +

[JVSB+ 1206 - J\2¢F|}

(1.207)

H

where

J2ZOQN K £
y = _%3_0 (1.208)
Lo} ¢

The factor 7y is often called the body-effect constant.

MOS Triode Relationship

The current flow in a MOS transistor is due (o drift current rather than diffusion cur-
rent. This type of current flow is the same mechanism that determines the current in a
resistor. The current density, J, is proportional to the electrical field, E, where the
constant of proportionality, ¢, is called the electrical permitrivity. Thus,

J = ¢E (1.209)
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This constant for an N-type material is given by
o = gqnu, (1.210)

where n is the concentration per unit volume of negative carriers and 1, is the mobil-
ity of electrons. Thus, the current density is given by

J = gnu,E ' (1.211)

Next, consider the current flow through the volume shown in Fig. 1.36, where the
volume has height H and width W. The current is flowing perpendicular to the plane
H x W down the length of the volume, L. The current, I, everywhere along the length
of the volume is given by

I = JWH (1.212)

The voltage drop along the length of the volume in the direction of L for a distance dx
is denoted dV and is given by

dV = E(x)dx (1.213)
Combining (1.211), (1.212), and (1.213), we obtain
gu,WHn(x) dV = I dx (1.214)

where the carrier density n(x) is now assumed to change along the length L and is
therefore a function of x.

As an aside, we examine the case of a resistor where N(X) is usually constant. A
resistor of length L would therefore have a current given by

WH
o i (1.215)
L
Thus, the resistance is given by
R = L (1.216)
qu,WH
Unit volume
Baa
T =% Current flow through
H : - unit volume

! o<
+— LA—b‘/

Fig. 1.36 Current Howing through a unit volume.
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Often this resistance is presented in a relative manner, in which the length and width
are removed (since they can be design parameters) but the height remains included. In
this case, the resulting expression is commonly referred to as the resistance per
square and designated as R, where

Ro = qu,H (1.217)
The total resistance is then given by
L
Riota = RD‘V_V (1.218)

This equation is important when calculating the resistance of interconnects used in
integrated circuits.

In the case of a MOS transistor, the charge density is not constant down the chan-
nel. If, instead of the carrier density per unit volume, one expresses n(x) as a function
of charge density per square area from the top looking down, we have

Q,(x) = qHn(x) (1.219)
Substituting (1.219) into (1.214) results in
pWQ (x)dV = I dx (1.220)

Equation (1.220) applies to drift current through any structure that has varying charge
density in the direction of the current flow. It can also be applied to a MOS transistor
in the triode region to derive its I-V relationship. It should be noted here that in this
derivation, it is assumed the source voltage is the same as the substrate voltage.

Since the transistor is in the triode region, we have Vpg < -V,,. This require-
ment is equivalent to Vpg<Vgg—V,, = Vg It is assumed that the effective chan-
nel length is L. Assuming the voltage in the channel at distance X from the source is
given by Vg, (x), from Fig. 1.37, we have

Q,(x) = C,,[Vas — Ven(X) = Vial (1.221)
Substituting (1.221) into (1.220) results in
“nWCox[VGS a Vch(.x) = ledvch = ID dx (1.222)
VG>VIn

Depletion region 0 Incoaiing x L

Fig. 1.37 The transistor definitions used in developing the transistor’s I-V relationship.
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Integrating both sides of (1.222), and noting that the total voltage along the channel of
length L is Vg, we obtain

v L
JU FUWC o [Vas — Von(X) - Via] dVey, = IO Ipdx (1.223)
which results in
Vos
HWCoy (Vas ~ Vin)Vps - = | = Il (1.224) ]
¢
Thus, solving for I results in the well-known triode relationship for a MOS transis-
tor:
W VzDS ’
Ip = “ncox(t) (Vas—Vin)Vps - 5 (1.225) :

It should be noted that taking into account the body effect along the channel, the tri- :
ode model of (1.225) is modified to ’

W Ve
Ip = “Cox(t)[(VGS_th)VDS_aTDS} (1.226)

where a = 1.7 [Tsividis, 1987].

Bipolar Transistor Exponential Relationship

The various components of the base, collector, and emitter currents were shown in
Fig. 1.28, on page 44. Figure 1.38 shows plots of the minority-carrier concentrations

n* emitter | p~ base region | n~collector
region region
9 6{0) S

Electron > |
current

D ¢ Hole current |
el

| |

x=0 W

Fig. 1.38 The concentrations of minority carriers in the emitter, base, and collector.
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in the emitter, base, and collector regions. The current flow of these minority carriers
is due to diffusion. By calculating the gradient of the minority-carrier concentrations
near the base-emitter junction in a manner similar to that used for diodes, it is possible
to derive a relationship between the electron current and the hole current of Fig. 1.28.

The concentration of holes in the emitter at the edge of the base-emitter depletion
region is denoted p,(0). This concentration decreases exponentially the farther one
gets from the junction, in a manner similar to that described for diodes. The concen-
tration far from the junction, p0. is given by

Peg = N_D {1.227)

where Ny is the doping density of the n* emitter. At a distance x from the edge of the
emitter-base depletion region, we have

x/L
Pe(X) = Po(0)e (1.228)
where
Vge/Vr
pe(O) = Pgy€ °
1229)
= —e
Np

and where Vg is the forward-bias voltage of the base-emitter junction.
At the edge of the base-emitter depletion region, the gradient of the hole concen-
tration in the emitter is found, using (1.228), to be

dpe(x 0
Pe(¥)|  _ Pe(0) 1230
dx |, Ly
Using (1.229), we can rewrite this as
dpg(0 n;
pe( ) - i eVE!E/VT (1231)
dx | _, LeNo
The hole current is now found using the diffusion equation
' dpe(X
Ioe = AgqD, Pe(X) (1.232)
dx | _,

where Ag is the effective area of the emitter. Recall that the minority-hole current in
the emitter, Ipe, is closely equal to the base current, Iz. After combining (1.231) and
{1.232), we obtain

2
_ AEqDPni eVeE/VT

Iz = 1.233
B LNo ( )
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The situation on the base side of the base-emitter junction is somewhat different.
The concentration of the minority carriers, in this case electrons that diffused from the
emitter, is given by a similar equation,

n’
n,(0) = —e (1.234)

However, the gradient of this concentration at the edge of the base-emitter depletion
region is calculated differently. This difference in gradient concentration is due to the
close proximity of the collector-base junction, where the minority carrier (electron) ‘
concentration, N,(W), must be zero. This zero concentration at the collector-base
junction occurs because any electrons diffusing to the edge of the collector-base
depletion region immediately drift across the junction to the collector, as stated previ-
ously. If the base “width” is much shorter than the diffusion length of electrons in the
base, L, then almost no electrons will recombine with base majority carriers (holes)
before they diffuse to the collector-base junction. Given this fact, the decrease in elec-
tron or minority concentration from the base-emitter junction to the collector-base _
Junction is a linear relationship decreasing from n,(0) at the emitter junction to zero at ]
the collector junction in distance W. This assumption ignores any recombination of ]
electrons in the base as they travel to the collector, which is a reasonable assumption
for modern transistors that have very narrow bases. Thus, throughout the base region,

the gradient of the minority-carrier concentration is closely given by
dny(x) _ ny(0)
dx w
2 (1.235)
_ N eVaE/VT
WN,
Combining (1.235) with the diffusion equation, we obtain
dngy(0)
L = -Agq DnT
{1.236)
_ AEanni2 Vee/Vr
~ WN,
Remembering that 1, is closely equal to the collector current I, we have
Io = Ioge ™" (1.237)
where
AEann‘rz
lgg = ——— 1.238
cs WN, ( )

The ratio of the collector current to the base current, commonly called the rransistor
common-emitter current gain and denoted B, is found using (1.237), (1.238), and
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(1.233). We have

1 D, NpL NpL
€ _Indbmp _ 55 07F (1.239)
I  D,NW N, W

which is a constant independent of voltage and current. Noting that N >> Ny, Lp >
W, and D, = 2.5 D;. we have [} >> 1. A typical value- might be between 50 and
200. The derivation of B just presented ignores many second-order effects that make B
somewhat current and voltage dependent and are beyond the scope of this book. Inter-
ested readers should see Roulston, 1990, for more details. Regardless of second-order
effects, equation (1.239) does reflect the approximate relationships among [3, doping
levels, and base width, For example, (1.239) explains why heavily doped emitters are
important to achieve large current gain.

Base Charge Storage of an Active BJT

Figure 1.38 shows a minority-carrier storage in the base region, Q,, given by

n,{0}W
Q, = Acq 5 (1.240)
Using (1.234) for ny(0), we have
Agqn’W
Q, = eqn; eVEE/-YT (1.241)
2N,
This equation can be rewritten using (1.237) and (1.238) to obtain
W
Q, = I = 1,1 1.242
b= 3p, ¢ e ( )
where 1, called the base-transit time constant, is given approximately by
Ty = ﬂ {1.243)
2D,

ignoring second-order effects. Normally, the base-transit time constant is specified for
a given technology and takes into account other charge-storage effects not considered
here, and is therefore often denoted 1. However, since the base storage of electrons
dominates the other effects, we have Tr = T,

If the current in a BJT changes, the base charge storage must also change. This
change can be modelled by a diffusion capacitance, Cy, between the base and the
emitter terminals. Using (1.242), we have

de _ d(TbIC)

C, = =
7 dVge  dVge

(1.244)
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Using (1.244) and [¢ = ICSeVBE/\‘rT results in
Cy = Tyo (1.245)

This equation is similar to that for a diode.
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1.9 PROBLEMS

Unleés otherwise stated, assume the following hold throughout the problems
section:

3

¢ Room temperature = 300 °K
* npn bipolar transistors:

B =100
Vy=80V
Ty, = 13 ps
T, = 4 ns
r, = 330 Q

+ n-channe] MOS transistors:
U,Co = 92 uA/VZ
V,, = 08 V
y=05V"?
M4s (€) = 8000L (um)/Ip(mA) in active region
C,=24x 107" pF/(um)’
Ciew = 20x 107 pF/pum
Cox = 1.9% 107 pF/(um)’
CgS(Gveﬂap) = ng(overlap) = 20%107 pF/pm
* p-channel MOS transistors:
1,Coyx = 30 UA/V?
Vip= 09V
y =08V’
rgs (€2) = 12,000 L (um)/Ip (mA) in active region

91 of 720




1.1

1.2

1.3

14

1.5

1.6

1.7

1.8

1.9

1.9 Problems 79

C 45x% 107 pF/(jJ.m)

CJ ow = 2.5% 10 pF/um

C., = 1.9% 107 pF/(um)’

Cgs(overlap} = ng(ovenap) =20x10 pF/],Lm

Estimate the hole and electron concentrations in silicon doped with arsenic at a
3 o

concentration of 10°° atoms/m” ata temperature 22.°C above room tempera-

ture. Is the resulting material n type or p type?

For the pn junction of Example 1.2, does the built-in potential, @, increase or

decrease when the temperature is increased 11 °C above room temperature?

Caiculate the amount of charge per ( um)2 in each of the n and p regions of the
pn junction of Example 1.2 for a 5-V reverse-bias voltage. How much charge
on each side would be presentina 10 pm x 10 pm diode?

A silicon diode has T, = 12 ps and Cyg = 15 {F. It is biased by a 43-k(2 resistor
connected between the cathode of the diode and the input signal, as shown in
Fig. P1.4. Initially, the input is 5 V, and then at time O it changes to 0 V. Esti-
mate the time it takes for the output voltage to change from 5> Vto 1.5V (i.e,,
the At_;q¢, time). Repeat for an input voltage change from 0 V to 5 V and an
output voltage change from 0 V to 3.5 V.

Fig. PY.4

Compare your answers for Problem 1.4 to those obtained using a SPICE simu-
lation.

Verify that when Vg = V4 is used in the triode equation for a MOS transis-
tor, the current equals that of the active region equation given in (1.67).

Find I for an n-channel trans.1st0r having doping concentrations of

Np = 107 and Ny = 107 with W = 50 um, L = 1.5 um,

Vgs = 1.1 V,and Vpg = V4. Assuming A remains constant, estimate the
new value of I if Vg is increased by 0.3 V.

AMOS transistor in the active region is measured tohave adrain currentof 20 u A
when Vg = V. When Vg is increased by 0.5 V, I increases to 23 pA .
Estimate the output impedance, Iy, and the output impedance constant, A..
Derive the low-frequency model pafameters for an n-channel transistor having
doping concentrations of N = 10” and N A= = 107 with W = 10 pm,
L=12um,Vgg = 1.1 V,and Vg = V. Assume that Vgg = 1.0 V.
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1.10  Find the capacitances C g, Cgy, Cyp, and Cy, for a transistor having

1.11

1.12

1.13
1.14
1.15

93 of 720

W = 50 pm and L = 1.2 pm. Assume that the source and drain junctions
extend 4 um beyond the gate. resulting in source and drain areas being

A, = Ay = 200 (um)? and the perimeter of each being P, = Py = 58 um.
Consider the circuit shown in Fig. P1.11, where V;, is adc signal of 1 V.
Taking into account only the channel charge storage, determine the final
value of V,,; when the transistor is turned off, assuming half the channel
charge goes to C_ .

5V
Vin Cr I I O Vom
10 um/0.8 mm

Fig. P1.11

For the same circuit as in Problem 1.11, the input voltage has a step voltage
change at time 0 from | V to 1.2 V (the gate voltage remains at 5 V). Find its
99 percent settling time (the time it takes to settle to within 1 percent of the
total voltage change). You may ignore the body effect and all capacitances
except C . Also assume that V,, = V,,. Repeat the question for V;, chang-
ing from3 Vto 3.1 V, B

Repeat Problem 1.11, but now take into account the body effect on V.

For an npn transistor having I = 0.1 mA, calculate g, I, fe. o, and gl .
A bipolar junction transistor has the following SPICE parameters (the SPICE
name for the parameter is included in parentheses):

Ig(IS) = 2.0x 10"

Br (BF) = 100
Bs (BR) = 1
V4 (VA) = 50V

7 (TF) = 12x 107" s

1 (TR) = 4x 107 s
Cieo (CJE) = 15x10°F
@, (VIE) = 09V

m, (MIE) = 0.27

Cyoo (CIC) = 181077 F
@, (VIC) = 07V

m, (MIC) = 037
Cpo (CIS) = 40x10 " F
®, (VIS) = 0.64 V

m, (MIS) = 0.29

R, (RE) = 30




1.16
1.17
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R, (RB) = 500
R, (RC) = 90
Initially, the circuit shown in Fig, P1.15 has a 0-V input. At time 0 its input
changes to 5 V. Estimate the time it takes its output voltage to saturate, using the
concepts of average capacitance and first-order transient solutions for each node.
The time constants of the individual nodes can be added to arrive at an overall
time constant for the approximate first-order transient response of the circuit.
Next, assume that the input changes from 5 V to O V at time 0. How long does
it take the output voltage to change to 3.5 V?

Vpp =5V

R, < 48kQ

Vom
Rl

43 kQ
Fig. P1.15

Compare your answers to Problem 1.15 to_those obtained using SPICE.

Verify that for Igg >> Iz and Igg >> [ / B, Eq. (1.140) simplifies to Eq.
{1.139).




CHAPTER

, Processing and Layout

This chapter describes the steps and processes used in realizing modern integrated cir-
cuits. While emphasis is placed on CMOS processing. the technology required for
BJT circuits is also described. After processing is presented, circuit layout is covered.
Layout is the design portion of integrated-circuit manufacturing, in which the geome-
try of circuit elements and wiring connections is defined. This process leads to the
development of photographic masks used in manufacturing a microcircuit. The con-
cepts of design rules and their relationship to microcircuits are emphasized. Next, cir-
cuit layout is related to the transistor models. Here, it is shown that once the layout is
completed, the values of certain elements in the transistor models can be determined.
This knowledge is necessary for accurate computer simulation of integrated circuits.
It is also shown that, by using typical design rules, one can make reasonable assump-
tions to approximate transistor parasitic components before the layout has been done.
Analog layout issues are then discussed, including matching and noise considerations.
Finally, this chapter concludes with a discussion of a destructive mechanism in
CMOS circuits known as latch-up.

2.1 CMOS PROCESSING

In this section, the basic steps involved in processing a CMOS microcircuit are pre-
sented. For illustrative purposes, we describe here an example n-well process (with,
of course, a p substrate) and two layers of metal. Although the list is not complete,
this section also describes many of the possible variations during processing.

The Silicon Wafer

The first step in realizing a microcircuit is to fabricate a defect-free, single-
crystalline, lightly doped wafer. To realize such a wafer, one starts by creating met-
allurgical-grade silicon through the use of a high-temperature chemical process in
an electrode-arc fumace. Although metallurgical-grade silicon is about 98 percent
pure, it has far too many impurities for use in realizing microcircuits. Next, a silicon-
containing gas is formed and then reduced. Pure silicon is precipitated onto thin
rods of single-crystalline silicon. This deposited electronic-grade silicon is very pure
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but, unfortunately, it is also polycrystalline. To obtain single-crystalline silicon, the
silicon is melted once again and allowed to cool. As it cools, a single-crystalline
ingot is slowly pulled and turned from the molten silicon using the Czochralski
method. The Czochralski method starts with a seed of single crystal silicon, and the
pull rate and speed of rotation determine the diameter of the crystalline rod or ingot.
Typical diameters might be 10 to 20 c¢m (i.e., 4 to 8 inches} with lengths usually
longer than | meter. Producing a silicon ingot can take several days.

Normally. heavily doped silicon is added to the melr before the single-crystalline
ingot is pulled. After the doped silicon diffuses through the molten silicen, a lightly
doped silicon ingot results. In our example process, boron impurities would be added
to produce a P ingot.

The ingot is cut into wafers using a large diamond saw. A typical wafer might
have a thickness of about | mm. After the ingot is sawed into wafers, each wafer is
polished with Al,Og, chemically etched to remove mechanically damaged material,
and then fine-polished again with SiO, particles in an aqueous solution of NaOH.

Very often, the company that produces the silicon wafers is not the same com-
pany that eventually patterns them into monolithic circuits. Sometimes, the surface of
the wafer might be doped more heavily. and a single-crystal epitaxial layer of the
opposite type might be grown over its surface before the wafer-manufacturing com-
pany delivers the wafers to the processing company. This layered approach results in
an epitaxial wafer.

A starting wafer of p~ might be doped around the level of Ny = 2% 10°!
donor/m’. Such a doping level would give a resistivity of 10t0 20 Q2 - em.

Photolithography and Well Definition

Phorolithography is a technique in which sefected portions of a silicon wafer can be
masked out so that some type of processing step can be applied to the remaining areas.
Although photolithography is used throughout the manufacturing of an integrated cir-
cuit, here we describe this photographic process in the context of preparing the wafer
for defining the well regions.’

Selective coverage for well definition is performed as follows. First, a glass mask,
M, is created, which defines where the well regions will be located. The glass mask is
created by covering the mask in photographic materials and exposing it to an electron
beam, or e beam, in the regions corresponding to the well locations. Such exposure
results in the well regions on the glass mask turning opaque, or dark. As a result, the
glass mask can be thought of as a negative of one layer of the microcircuit. In a typical
microcirenit process, ten to twenty different masks might be required. The typical cost
for these masks is currently around $50,000. Because a high degree of precision is
required in manufacturing these masks, often a company other than the processing

1. Wells are doped regions that will contain one of the two types of ransistors realized in a CMOS process.
Nowadays, wells are normally n type and comain p-channel transistors.
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company makes the masks. The exposure of the opaque regions of the mask, by the
electron beam, is controlled by a computer dependent on the contents of a database.
The database required for the e beam is derived from the layout database produced by
the designer, using a computer and a layout CAD software program.

The first step in masking the surface of the wafer is to thermally grow a thin layer
of silicon-dioxide (SiO,) to protect the surface of the microcircuit. Details of this step
are discussed later. On top of the SiO,, a negative photoresist, PR,, is evenly applied,
while spinning the microcircuit to a thickness of around 1 um. Photoresist is a light-
sensitive polymer (similar to latex). In the next step. the mask, M, is placed in close
proximity to the wafer, and ultraviolet light is projected through the mask onto the pho-
toresist. Wherever the light strikes, the polymers cross-link, or polymerize. This change
makes these regions insoluble to an organic solvent. This step is shown in Fig. 2.1. The
regions where the mask was opaque (i.c., the well regions) are not exposed. The pho-
toresist is removed in these areas using an organic solvent. Next, the remaining photo-
resist is baked to harden it. After the photoresist in the well regions is removed, the
uncovered SiO, may also be removed using an acid etch. (However, in some processes
where this layer is very thin, it may not be removed.) In the next step, the dopants
needed to form the well are introduced into the silicon using either diffusion or ion
implantation (directly through the thin oxide, in cases where it has not been removed).

The procedure just described involves a negative photoresist, where the exposed
photoresist remains after the masking. There are also positive photoresists, in which
the exposed photoresist is dissolved by the organic solvents. In this case, the photore-
sist remains where the mask was opaque. By using both positive and negative resists,

-

Opaque
region Trapslucent
region
Glass
mask

L

Ultraviolet light

p~ substrate
Hardened photoresist, PR, Si0,

Fig. 2.1 Selectively hardening a region of photoresist using a glass mask.
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a single mask can sometimes be used for two steps—first, to protect one region and
implant the complementary region and second, to protect the complementary region
and implant the original region.

Diffusion and lon Implantation

After the photoresist over the well region has been removed, the next step is (o intro-
duce dopants through the opening where the well region will be located. As just men-
tioned, there are two approaches for introducing these dopants—diffusion and ion
implantation.

In both implantation methods, usually the SiO, in the well region will first be
removed using an acid etch. Next, the remaining hardened photoresist is stripped
using acetone. This leaves SiO, that was protected by the hardened photoresist to
mask all of the nonwell (i.e.. substrate) regions.

In diffusion implantation, the wafers are placed in a quartz tube inside a heated
furnace. A gas containing the dopant is introduced into the tube. In the case of form-
ing an n well, the dopant in the gas would probably be phosphorus. Arsenic could also
be used, but it takes a much longer time to diffuse. The high temperature of the diffu-
sion furnace, typically 900 to 1,100 °C, causes the dopants to diffuse into the silicon
both vertically and horizontally. The dopant concentration will be greatest at the sur-
face and will decrease in a Gaussian profile further into the silicon. If a p well had
been desired, then boron would have been used as the dopant. The resulting cross sec-
tion. after diffusing the n well, is shown in Fig. 2.2.

An alternative technique for introducing dopants into the silicon wafer is ion
implantation. This technique is now largely replacing diffusion because it allows
more independent control over the dopant concentration and the thickness of the
doped region. In ion implantation, dopants are introduced as ions into the wafer, as

. shown in the functional representation of an ion implanter in Fig. 2.3. The ions are
generated by bombarding a gas with electrons from an arc-discharge or cold-cathode
source. The ions are then focused and sent through a mass separator. This mass sepa-

Gas containing phosphorus

2PH3 e 402

n well

N ,

p~ substrate

Fig. 2.2 Forming an n well by diffusing phosphorus from a gas into the silicon, through
the opening in the SiO,.
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Fig. 2.3 An ion-implantation system,

rator bends the ion beam and sends it through a narrow slit. Since only ions of a spe-
cific mass pass through the slit, the beam is purified. Next, the beam is again focused
and accelerated to between 10keV and 1 MeV. The ion current might range from
10 pA to 2 mA. The deflection plates sweep the beam across the wafer (which is
often rotated at the same time) and the acceleration potential controls how deeply the
ions are implanted. The beam current and time of implantation determine the amount
of dosage. Thus, depth and dosage are controlled independently. Two problems that
occur with ion implantation are lattice damage and a narrow doping profile. The lat-
tice damage is due to nuclear collisions that result in the displacement of substrate
atoms. The narrow profile results in a heavy~concentration over a narrow distance, as
is shown in Fig. 2.4, For example, arsenic ions with an acceleration voltage of
100 keV might penetrate approximately 0.06 pm into the silicon, with the majority of

lon dopant
concentration

Before annealing

~ N After annealing

S

>

Depth into
silicon wafer

Fig. 2.4 Dopant profiles after ion implantation both before and
after annealing.
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ions being at 0.06 pm +0.02 pm. Both of these problems are largely solved by
annealing.

Annealing is a step in which the wafer is heated to about 1,000 °C, perhaps for 15
to 30 minutes, and then allowed to cool slowly. This heating stage thermally vibrates
the atoms, which allows the bonds to reform. Annealing also broadens the concentra-
tion profile, making the doping levels more uniform, as shown in Fig. 2.4. It should be
noted that annealing is performed only once during processing, after all the implanta-
tion steps have been performed but before any metal layers have been created.”

For n-type dopants, arsenic is used for shallow implantations, such as the source
or drain junctions. Phosphorus might be used for the well. Boron is always used to
form the p regions.

Although more expensive, ion implantation has been largely replacing diffusion
for forming n and p regions because of its greater control over doping levels. Another
important advantage of ion implantation is the much smaller sideways diffusion,
which allows devices to be more closely spaced and, more importantly for MOS tran-
sistors, minimizes the overlap between the gate-source or gate-drain regions.

Chemical Vapor Deposition and Defining the Active Regions

The next few steps use the field-oxide mask, M,, to form the thick field-oxide as well
as the field implants {used to isolate devices). These steps result in a thin layer of ther-
mal SiO,, as well as a layer of silicon nitride (SigN,), everywhere the field-oxide is
not desired.

Often, this step will be done using positive-photoresist such that, wherever the
mask M, is not opaque, the photoresist will be softened. In other words, the photore-
sist is left intact after the organic dissolution step, under the opaque regions of the
mask where the field-oxide is not desired. A thin layer of thermal SiO, is first grown
everywhere to protect the surface of the silicon lattice.

Next, SigN, is deposited everywhere during a gas-phase reaction in which energy
is supplied by heat (at about 850 °C). This process is called chemical vapor deposi-
tion, or CVD. After this step, the positive photoresist is deposited, exposed through
the mask, M,, dissolved, and hardened. The hardened photoresist is left on top of the
SizN, to protect it where the field-oxide is not desired. Next, the SigN,, wherever it is
not protected by the photoresist, is removed by etching it away with a hot phosphoric
acid. The SiO, is then removed with a hydrofluoric acid etch. Finally, the remaining
photoresist is chemically removed with a process that leaves the remaining SizN,
intact. The remaining SizN, will act as a mask to protect the active regions when the
thick field-oxide is being grown in the field-oxide regions.

Field-implants and the Field-Oxide

The next step in our example process is to implant the field-implants under where the
field-oxide will be grown. For example, boron will be implanted under the field-oxide

2. If annealing were done after deposition of a metal layer, the metal would metlt.
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everywhere except in the well regions. This implant guarantees that the silicon under
the field-oxide will never invert (or become n) when a conductor over the field-oxide
has a large voltage. If this implant were not performed, leakage currents could occur
between the junctions of separate n-channel transistors in the substrate region, which
are intended to be unconnected.

For the field-oxide in the well regions, where p-channel transistors will eventu-
ally reside, an n-type implant such as arsenic (As) could be used. Often, it is not nec-
essary to include field-implants under the field-oxide of the well regions because the
heavier doping of the well (compared to that of the substrate) normally guarantees
that the silicon will never invert under the field-oxide in these regions.

When implanting the field-implants in the substrate regions, it is necessary to first
cover the wells with a protective photoresist, PR5, so the n-well regions do not
receive the p implant. This can be done using the same mask. M. that was originally
used for implanting the n wells, but now a positive photoresist is used. This positive
photoresist remains where the mask is opaque (i.e., dark), which corresponds to the
well regions.

After the exposed photoresist has been dissolved, we now have the cross section
shown in Fig. 2.5. Notice that at this step, all the active regions, where eventually the
transistors will reside, are protected from the field implants by the Si;N,, SiO,, and
PR,. Additionally. the complete well regions are also protected by PR;. The field-
implant will be a high-energy implant with a fairly high doping level.

Growing the Field-Oxide

The next step is to grow the field-oxide, SiOj. There are two different ways that SiO,
can be grown. In a wet process, water vapor is introduced over the surface at a moder-
ately high temperature. The water vapor diffuses into the silicon and, after some inter-
mediate steps. reacts according to the formula

Si+2H,0 — Si0, + 2H, @.1)

SisN,

PR,

Boron ions
PR,

-i--i--li- +++ +++ PR, ++ +
131 Y e 1
VIVE =\AAI==\AAI=——=AAA
++++ ++++ ++++ F+++

\ 7 Field-implants
SiO,
p~ substrate

Fig. 2.5 The cross section when the field-implants are being formed.
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In a dry process, oxygen is introduced over the wafer, normally at a slightly higher
temperature than that used in the wet process, and reacts according to the formula

Si+0,— SiO, (2.2)

Since both of these processes occur at high temperatures, around 800 to 1200 °C, the
oxide that results is sometimes called a thermal oxide.

Before the field-oxide is grown, PR, and PR; are removed. but the silicon-
nitride—silicon-dioxide sandwich is left. The reaction does not occur wherever CVD-
deposited SigN, remains, because the SigN, is relatively inert to both water and
oxygen. Wherever the process does occur, the volume increases because oxygen
atoms have been added. Specifically, SiO, takes up approximately 2.2 times the
volume of the original silicon. This increase will cause the SiO, to extend approxi-
ﬂ mately 45 percent into, and 55 percent above, what previously was the surface of

the silicon. The resulting cross section is shown in Fig. 2.6. Note that in our exam-
ple process, the field-oxide in the substrate region has field-implants under it,
whereas the field-oxide in the wells does not.

When growing thermal SiO,, the wet process is faster because H,O diffuses
faster in silicon than O, does, but the dry process results in denser, higher-quality
SiO, that is less porous. Sometimes, growing the field-oxide starts with a dry process,
changes to a wet process, and finishes with a dry process. When thin layers of SiO,
are grown, as the next section describes, usually only a dry process is used.

Gate-Oxide and Threshold-Voltage Adjusts

In the next step, the Si;N, is removed using hot phosphoric acid. If a thin layer of
SiO, is under the SizN,, protecting the surface, as shown in Fig. 2.6, this SiO, is also
removed, usually with hydrofluoric acid. The high-quality, thin gate-oxide is then
grown using a dry process. It is grown everywhere over the wafer to a thickness of
about 0.01 to 0.03 pm.

After the gate-oxide has been grown, donors are implanted so that the final thresh-
old voltages of the transistors are correct. Note that this implantation is performed
directly through the thin gate-oxide since it now covers the entire surface. It should be
mentioned here that many processes differ while realizing the threshold-adjust step.

SigN, SiO, Field-oxide

p* field-implants
p~ substrate

Fig. 2.6 The cross section after the field-oxide has been grown.
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Fig. 2.7 Cross section after the thin gate-oxide growth and threshold-adjust implant.

In a simple process, the threshold voltages of both the p- and n-channel transis-
tors are adjusted at the same time. We saw in the Appendix of Chapter 1 that the n-
channel transistors require a boron implant to change Vy, from its native value of
around —0.1 V to its desired value of 0.7 to 0.8 V. If the n wells are doped a little
heavier than ideal, the native threshold voltage of the p-channel transistors in the well
will be around —1.6 V. As a result, the same single boron threshold-adjust implant
will bring it to around —(.8 to —09 V.

By using a single threshold-voltage-adjust implant for both n-channel and p -
channel transistors, two photoresist masking steps are eliminated. If the different
transistors are individually implanted, then the second of two types of transistors
has to be protected by, say, a negative photoresist while the first type is being
implanted. Next, a positive photoresist can be used with the same mask to protect
the first type of transistor while the second type is being implanted. The mask used
is normally the same mask used in forming the n wells, in other words, M;. Thus,
no additional mask is required, but a number of additional processing steps are
needed. The major problem with using a single threshold-adjust implant is that the
doping level of the n well is higher than optimum. This higher doping level
increases the junction capacitances and the body effect of the transistors in the well.
A double threshold adjust allows optimum well doping. Both approaches are cur-
rently in commercial use, although the double threshold-adjust implant is growing
in favor as device dimensions decrease. The cross section at this stage is shown in
Fig. 2.7.

Polysilicon Gate Formation

The next step in the process is the chemical deposition of the polysilicon gate mate-
rial. One méthod 1o create polysilicon is to heat a water with silane gas flowing over it
so the following reaction occurs

SiH, — Si+2H, (2.3)
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Polysilicon
gate

p~ substrate

Fig. 2.8 Cross section affer depositing and patterning the polysilicon gates.

If this reaction occurs at high temperatures, say, around 1,000 to 1,250 °C, and the
original surface of the wafer was single crystal, the deposited silicon will also be sin-
gle crystal. This approach is used both when epitaxial layers are grown in bipolar pro-
cesses and in some of the more modern CMOS processes. However, when depositing
the polysilicon gates, the original surface is SiO, and the wafer is heated only to about
650 °C. As aresult, the silicon that is deposited is noncrystalline, or amorphous. Thus,
this silicon is often referred to as polysilicon. Very often, after the polysilicon is
deposited, it will be ion implanted with arsenic to increase its conductivity. A typical
final resistivity for polysilicon might be 10 to 30 /7, and its thickness might be
around 0.25 pm. -

After the deposition just described, the polysilicon gate material covers the entire
wafer. This polysilicon is then patterned using a new mask, M;, and a positive photo-
resist, PR,. The mask is opaque where hardened polysilicon should remain. After the
nonhardened photoresist is removed, the polysilicon is etched away using a reactive
plasma etch. This etch removes all of the polysilicon not protected by photoresist but
removes very little of the underlying SiO,. This thin gate-oxide layer is used to pro-
tect the surface during the next step of junction implantation. The cross section at this
phase is shown in Fig. 2.8.

Implanting the Junctions, Depositing $iO,, and Opening Contact Holes

The next step involves the ion implantation of the junctions. In our example process,
the p” junctions are formed first by placing positive photoresist, PRs, everywhere
except where the p* regions are desired. A new mask, M,, is used in this step. The p*
regions are then ion implanted, possibly through a thin oxide in some processes. The
cross section at this stage is shown in Fig. 2.9,

Notice that the p* junctions of the p-channel transistors are defined on one edge
by the field-oxide and, more importantly, next to the active gate area by the edge of
the polysilicon gate. During the implantation of the boron, it was the gate polysilicon
and the photoresist over it that protected the channel region from the p* implant.
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PR, Polysilicon PR,

Polysilicon

PR;

Substrate connection

p~ substrate

Fig. 2.9 Cross section after ion-implanting the p* junctions.

Thus, the p* junctions are self-aligned to the polysilicon gates, resulting in very little
overlap (i.e., a small L, , as defined in Chapter 1). Also, note that the effective chan-
nel areas of the transistors are defined by the intersection of the gate-defining mask,
M., and the mask used in defining the active regions, M, (i.e., the mask used in defin-
ing where SizN, remains). Thus, these are the two most important masks in any MOS
process. The development of this self-aligned process has proven to be an important
milestone in realizing small high-speed transistors, both in MOS processes and in BJT
processes.

Also notice that a p* junction has been implanted in the substrate region. This
junction, called a substrate tie, is used to connect the substrate to ground in microcir-
cuits. These substrate ties are liberally placed throughout the microcircuit to help pre-
vent latch-up, a problem discussed at the end of this chapter. In addition, the
underside of the wafer would normally be connected to ground as well, through a
package connection.

Next, the photoresists are all removed using acetone. The p’ active regions are
then protected using the same mask, M,, that was used for the previous step, but now
a negative photoresist, PR, is used. The n* junctions are then implanted using
arsenic. The cross section at the end of this stage is shown in Fig. 2.10.

After the junctions have been implanted and PR has been removed, the complete
wafer is covered in CVD SiO,. This protective glass layer can be deposited at moder-

PRs PR

Polysilicon gates

Well tie Substrate tie
p-channel n-channel

junctions p substrate junctions

Fig. 2.10 Cross section after ion-implanting the n* junctions.
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ately low temperatures of 500 °C or lower. The deposited SiO, might be 0.25 to
0.5 pm.

The next step is to open contact holes through the deposited SiO,. The contact
holes are defined using mask My and positive resist PR;.

Annealing, Depositing and Patterning Metal, and Overglass Deposition

After the first layer of CVD SiO, has been deposited, the wafer is annealed. As men-
tioned earlier in this section, annealing entails heating the wafer in an inert gas (such
as nitrogen) for some period of time {say, 15 to 30 minutes) at lemperatures up to
1,000 °C. The resulting thermal vibrations heal the lattice damage sustained during all
the ion implantations, broaden the concentration profiles of the implanted dopants,
and increase the density of the deposited SiO,.

Next, interconnect metal is deposited everywhere. Historically, aluminum (Al)
has been used for the interconnect. However, recently other metals have been used
that have less of a tendency to diffuse into the silicon during electrical operation of the
microcircuit. The metal is deposited using evaporation techniques in a vacuum. The
heat required for evaporation is normally produced by using electron-beam bombard-
ing, or possibly ion bombarding in a sputtering system. After the metal is deposited on
the entire wafer, it is patterned using mask M, and positive photoresist PRy, and then
it is etched.

At this time, a low-temperature annealing might take place to give better bonds
between the metal and the silicon. The temperature of this annealing must be less than
550 °C so the aluminum doesn’t melt. -

Next, an additional layer of CVD SiO, is deposited, additional contact holes are
formed using mask M, and photoresist PR, and then a second layer of metal is depos-
ited and etched using mask Mg and photoresist PR;,. Often the primary use of this top
layer of metal might be to distribute the power supply voltages. The bottomn layer
would be used more often for local interconnects in gates. In some modemn processes,
this process is repeated a third and possibly a fourth time to give up to four levels of
metal, which allow for much denser interconnect.

After the last level of metal is deposited, a final passivation, or overglass, is
deposited for protection. This layer would be CVD SiO,, although often an additional
layer of SizN, might be deposited because it is more impervious to moisture.

The final microcircuit processing step is to etch openings to the pads used for
wire bonding. This final step would use mask M, and photoresist PR, ,. A cross sec-
tion of the final microcircuit for our example process is shown in Fig. 2.11.

This example process is a fairly representative CMOS process. However, many
variations, often involving additional masks, are possible. Some of the possible varia-
tions are as follows:

1. Two wells may exist—one for p-channel transistors and one for n-channel
transistors. This nwin-tub process allows both wells to be optimally doped.

2. An additiona! polysilicon layer may be deposited over the first layer. This
extra poly layer can be used to realize highly linear poly-to-poly capacitors
in which a thin thermal oxide is used to separate the two layers.
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3.

11.

An additional polysilicon layer might be formed that has an extremely high
resistivity (say, 1 G€/[J). This high resistivity is used to realize resistor
loads in four-transistor, static random-access memory (SRAM) cells.
Field-implants may exist under the field-oxide in the well regions as well as
under the field-oxide in the substrate regions.

Often, the n-channel and the p-channel transistors might have separate
threshold-voltage-adjust implants. '

The microcircuit might have three, four, or five layers of metal.

In a multimetal-layer process, it is usually necessary to add several addi-
tional steps so that the surface is made smoother, or planarized, after each
metal-patterning step. This is normally done by a reactive etching process in
which the metal is covered with SiO, and the hills are etched faster than
the valleys.

Different metals might be used for the contacts than for the interconnect, to
obtain better fill in and less diffusion into the silicon surface.

Thin-film nichrome resistors may exist under the top layer of metal.

The transistors may be realized in an epitaxial layer. In this case, the sub-
strate would be n', and a p -epitaxial layer would be grown. Before the epi-
taxial layer is grown, the top of the substrate would be doped p*. This type
of wafer is similar to that used in processing bipolar transistors, but of the
opposite type, and is becoming more common in CMOS processing. The
advantages of this type of transistor are that it is more immune to a destruc-
tive phenomenon called latch-up (described at the end of this chapter), and it
is also more immune to gamma radiation in space. Finally, it greatly mini-
mizes substrate noise in microcircuits that have both analog and digital cir-
cuits, (i.e., mixed-mode microcircuits).

Additional processing steps may be used to ensure that bipolar transistors
can be included in the same microcircuit as MOS transistors. This type of
process is called a BICMOS process and is becoming particularly popular
for both analog and digital high-speed microcircuits.

Overglass Metal 1

p* field-implant

Well tie  Substrate tie Field-oxide

p-channel transistor p~ substrate n-channel transistor

Fig. 2.11
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2.2 BIPOLAR PROCESSING

The processing steps required for realizing bipolar transistors are similar to those used
for realizing MOS transistors, with some modifications. Thus, rather than presenting
the complete realization of modern bipolar transistors, we briefly discuss some of the
modifications needed for realizing them.

A bipolar process normally starts with a p  substrate. The first masking step
involves the diffusion (or ion implantation) of n” regions into the substrate wherever
transistors are desired. These n* regions are used to lower the series collector resis-
tance. Next, an N single-crystal epitaxial layer is deposited.

In the next basic step, the field-oxide is formed for isolation. However, before the
field-oxide is grown and after the openings in the SizN,4-SiO,-photoresist sandwich
have been made, the surface of the silicon is typically etched to form empty cavities.
This extra etching step allows the field-oxide to extend further down into the epitaxial
region.

After the field oxide is grown, the n”-collector contact region is implanted. This
region extends from the surface down to the n* -buried region under the transistor.

In a modern process, polysilicon is used to contact the emitter, the base, and pos-
sibly the collector, as Fig. 2.12 shows for a typical npn BJT structure. Normally, the
base p* polysilicon is deposited first. This polysilicon is heavily doped p* so that
later, during a high-temperature step, the boron dopant from the polysilicon contact
diffuses into the silicon underneath the base polysilicon to make the underlying region
p*. The base polysilicon is removed in the active area of the transistor. Next, using one
of a variety of possible methods, the base polysiliton is covered with a thin layer of

p* poly n* poly

Base | Al Emitter Base

Collector

n* poly

Lo

/

W'/ A ?//

7 /,//’/ A,
757/ i /{/7//// i Z ////
o \/L
p~ substrate n* S'Oz
p* p

Fig. 2.12 Cross section of a modern, self-aligned bipolar transistor with oxide isolation.
The term “poly” refers to polysilicon.
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SiO,, perhaps 0.5 pm in thickness, leaving an opening over the active area of the tran-
sistor. This SiO, spacer, which separates the base polysilicon from the emitter poly-
silicon, as shown in Fig. 2.12, allows the base polysilicon (or contact}) to be very close
to the emitter polysilicon (or contact), thereby minimizing the base resistance. Next,
the base is ion-implanted to p -type silicon. and then n” polysilicon is deposited for the
emitter. At this point, the true emitter has not yet been formed—only the emitter n’
polysilicon has been laid down. However. when the wafer is annealed, the n” from the
emitter polysilicon diffuses into the base p silicon to form the true emitter region. Dur-
ing annealing, the p” dopants from the base polysilicon also diffuse into the extrinsic ‘
base region. As a result, this procedure results in a self-aligned process since the use of
the SiO, spacer allows the base polysilicon to determine where the emitter is finally ;
located. The importance of this process is that, through the use of self-aligned contacts
and field-oxide isolation, very small, high-frequency bipolar transistors can be realized
using methods similar to thase used in realizing modern MOS transistors.

2.3 CMOS LAYOUT AND DESIGN RULES

It is the designer’s responsibility to determine the geometry of the various masks
required during processing. The process of defining the geometry of these masks is
known as layeut and is done using a computer and a CAD program. Here, we describe
some typical layout design rules and the reasons for these rules.

When designing the layout, typically the designer does not need to produce the ;
geometry for all of the masks because some of the.masks are automatically produced
by the layout program. For example. the p* and n" masks used for the source and
drain regions are usually generated automatically. Also, the program might allow the
designer to work in the final desired dimensions. The layout program then automati-
cally sizes the masks to account for any lateral diffusion or etching loss; this sizing
produces larger- or smaller-dimension masks. For example, a designer might draw a
polysilicon line so that a transistor would have a 1.2-Jm length. The program might
then produce a mask that had a 1.6-pim line width. This increased mask sizing would
account for the junction overlap due to lateral diffusion and the polysilicon loss due to
etching.

In a modern layout program, the layout of some circuit cefls might already be per-
formed and stored in a library. During overall layout, these cells are then parametri-
cally adapted to a required size, and the corresponding geometries for every layer are
auwtomatically generated. Often, when the cells are being connected, they might be
automatically placed and routed. or connected. by the program. The designer might
then interactively modify this automatically generated layout. Thus, as time goes on,
the layout becomes more automated as more cells become available. However, the
designer must still take direct control of the layout of critical cells, especially when
the layout must be small or the resulting circuits must be fast. For example, one would
rarely allow a computer to automatically generate the layout of a memory cell where
space and capacitive loading of the connecting buses are critical. Thus, a digital
microcircuit designer must be knowledgeable about the design rules that govern the
layout required for the process used.

oy
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The two most important masks are those for the active region and for the gate poly-
silicon. The intersection of these two masks becomes the channel region of MOS tran-
sistors. For example, consider Fig. 2.13(a), which shows a simplified view of a MOS
transistor, and Fig. 2.13(b), which shows the corresponding layout of the active mask
and the polysilicon, or poly, mask. In Fig. 2.13(b), the poly mask runs vertically. The
length of the poly that intersects the active-region mask is the transistor width, W, and
the width of the poly line is the transistor length, L, as Fig. 2.13 shows.

The design rules for laying out transistors are often expressed in terms of a quan-
tity, A, where A is 1/2 the gate length. This generalization allows many of the design
rules to be simply expressed, independent of the true value for the minimum channel
length (i.e., 2)). Figure 2.13(b) shows the smallest possible transistor that can be real-
ized when a contact must be made to each junction. Also shown are many of the min-
imum dimensions in terms of A.

When we express design rules in terms of A, we assume that each mask has a
worst-case alignment of under 0.75A. Thus, we can guarantee that the relative mis-
alignment between any two masks is under 1.5A. If an overlap between any two
regions of a microcircuit would cause a destructive short circuit, then a separation

< Active region »

(a)

Polysilicon mask
Field-oxide region s

4——8%

Active-region mask| Contact mask

vye—5—»

Effective gate region

(b)

Fig. 2.13 (a) A simplified view of a partially finished transistor and (b) the correspond-
ing layout of the active, polysilicon, and contact masks.
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between the corresponding regions in a layout of 2A guarantees this will never hap-
pen. For example, consider the poly mask and the contact mask in Fig. 2.13(h). If
these two regions overlap in the microcircuit, then the metal used to contact the
source junction is also short-circuited to the gate poly, causing the transistor to be
always turned off, as shown in Fig. 2.14. If the source happens to be connected to
ground, this error also short-circuits the gate-to-ground. To.prevent this type of short,
R COMALL OPETHHINES Tnst be feph ot least Vh away f1om he poysihicon gaes,

Another example of a catastrophic failure due to misalignment is a gate that does
not fully cross the active region (also shown in Fig. 2.14). Since the junctions are
implanted everywhere in the active region except under the gate, this misalignment
causes a short circuit between the source and the drain—thus the design rule that poly-
silicon must always extend at least 2\ past the active region.

Another design rule is that active regions should surround contacts by at least
IA. If, in reality, an overlap exists between the edge of the active-region mask and
the contact mask, no disastrous shorts occur. The circuit still works correctly as
long as sufficient overlap exists between the contact and the active masks so that a
good connection is made between the aluminum interconnect and the junction. Since
the maximum relative misalignment is 1.5A, having the source (or drain) region sur-
round the contact by 1A guarantees an overlap of at least 1.5A (the minimum con-
tact width is 21).

The few design rules just described are sufficient to allow one to estimate the
minimum dimensions of a junction area and perimeter before a transistor has been
laid out. For example, assume that in Fig. 2.13 a contact is to be made to a junction;
then the active region must extend past the polysificon region by at least 5A. Thus, the

Gate poly

Source junction Drain junction

Noncatastrophic
misalignment

v
Source-to-gate Source-to-drain
short circuit short circuit

Fig. 2.14 Mask misalignment that results in catastrophic short circuits and an
example of a noncatastrophic misalignment.
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minimum area of a small junction with a contact to it is
A, = Ay = 5AW (2.4)
where W is the transistor width. Similarly, in Fig. 2.13, the perimeter of a junction®
with a contact is given by
P, = Py = 10A+W (2.5)

These estimates may be used when estimating the parasitic capacitances in the transis-
tor models. They may also be used in SPICE to simulate circuits so the parasitic
capacitances are determined more accurately. However, note that they are only esti-
mates; the true layout will differ somewhat from these rough estimates.

Sometimes, when it is important to minimize the capacitance of a junction, a sin-
gle junction can be shared between two transistors. For example, consider the series
connection of two transistors shown in Fig. 2.15(a). The active, poly, and contact

BB
3
Jy Js
o Q

(a)

2A 24
(b)

Fig. 2.15 (a) A series connection of two transistors
and (b) a possible layout.

3. Note that the perimeter does not include the edge between the junction and the active channel separating
the junction and the gate because there is no field-implant along this edge, and the sidewall capacitance is
therefore smaller along that edge.
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masks might be laid out as shown in Fig. 2.15(b). Notice that a single junction is
shared between transistors Q, and Q,. The area, and especially the perimeter of this
junction, are much smaller than those given by equations (2.4) and (2.5). Also, in a
SPICE simulation, the area and perimeter should be divided by 2 when they are spec-
ified in each transistor description, since the junction is shared. Alternatively, all of
the area and perimeter could be specified in one transistor description, and the area
and perimeter of the other junction could be specified as zero.

Since the junction sidewall capacitance is directly proportional to the junction
perimeter, and since this capacitance can be a major part of the total junction capaci-
tance (because of the heavily doped field-implants), minimizing the perimeter is
important. It is of interest to note that as transistor dimensions shrink, the ratio of the
perimeter to the area increases and the sidewall capacitance becomes more important.

EXAMPLE 2.1
Assuming A = 0.5 pum, find the area and perimeters of junctions J, J,, and J,
for the circuit in Fig. 2.15.
Solution

Since the width and length are shown as 10A and 2A, respectively, and A =
0.5 1m, the physical sizesare W = 5 pymand L = 1 pm.
Thus, for junction J |, using the formulas of (2.4) and (2.5), we have
A= 5AW = 5(0.5)5(um)2= = 12.5(].Lm)2 (2.6)
and
P,, = 10A+W = [10(0.5)+ 5] pm = 10 pm (2.7)

Since this junction is connected to ground, its parasitic capacitance is unimpor-
tant and little has been done to minimize its area. Contrast this case with junc-
tion J,, where we have

A,

AW + 1247
W+ 12(0.5) (2.8)
= 8§(um)’

The perimeter is unchanged, resulting in P,, = 10 um. Thus, we have
decreased the junction area by using the fact that the transistor is much wider
than the single contact used. However, sometimes wide transistors require
additional contacts to minimize the contact impedance. For example, the two
contacts used for junction J, result in roughly half the contact impedance of

junction J,.
Next, consider the shared junction. Here we have a junction area given by
AJ_‘; = Z}LW
2.9
Y ,U.m)z 2.9
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Since this is a shared junction, in a SPICE simulation we would use
A, = Ay = AW
= 2.5(um)”

for each of the two transistors, which is much less than 12,5 (um)2 . The reduc-
tion in the perimeter is even more substantial. Here we have

= 2 pum

(2.10)

(2.11)

for the shared junction: so sharing this perimeter value over the two transistors
would result in
Py = Py = 24
so (2.12)
=1 um
for the appropriate junction of each transistor when simulating it in SPICE. This
result is much less than the 10-pum perimeter for node J,.

Because minimizing the junction capacitance is so important, one of the first
steps an experienced designer takes before laying out important high-speed cells is
first to identify the most critical nodes and then to investigate possible layouts that
minimize the junction capacitance of these nodes.*

An additional design rule has been implicitly iptroduced in the previous example,
Notice that for junction J, in Fig. 2.15, part of the active region boundary is only 24
away from the gate. This minimum junction area is the typical design rule for this
case.

Several design rules are required in addition to those just mentioned. Some of
these are described next, with reference to the layout of a digital inverter, shown in
Fig. 2.16. Notice that the n well surrounds the p-channel active region, and there-
fore the p° junctions of the p-channel transistors, by at jeast 3A. Notice also that
the minimum spacing between the n well and the junctions of n-channel transistors,
in the substrate, is SA. This large spacing is required because of the large lateral dif-
fusion of the n well and the fact that if the n-channel junction became short-cir-
cuited to the n well, which is conmnected to Vpp, the circuit would not work.
Conversely, a p’-substrate tie can be much closer to a well because it is always con-
nected to ground and is separated from the well by a reverse-biased junction. A typi-
cal dimension here might be 2A. Since a p-channel junction must be inside the well
by at least 34 and an n-channel junction must be outside the well by 54, the closest
an n-channel transistor can be placed to a p-channel transistor is 8A.

Notice in Fig. 2.16 that metal is used to connect the junctions of the p-channel
and n -channel transistors. Normally, the metal must overlap any underlying contacts

4, Note that it is not possible to share junctions between n-channel and p-channe! transistors. This limita-
tion is one of the reasens for the larger parasilic capacitances sometimes encountered in CMOS microcir-
cuits as opposed to NMOS microcircuits. where only n-channel transistors are used.
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by at least A. A typical minimum width for first-level metal might be 2A, the same as
the minimum width for polysilicon. However, it can be wider as in Fig. 2.16, where it
is 4\ wide.

Notice also in Fig. 2.16 that a single contact opening, known as a butting contact,
can be used to contact both the p-channel transistor source and an n"-well tie, because
both will be connected to Vpp. Although the outlines of the p* and n” masks are not
shown in Fig. 2.16, under the contact, one half will be doped p’ (the p-channel junc-
tion) and one half will be doped n* (the well tie). Also, for the n-channel transistor, a

Q, Voo
Vin Vou!
Q? Gnd
(a)
Ao "
n* well tie p’junction

p-channel
transistor

Poly :
interconnect . e e

|- Active region

Metal interconnect

n-channel
transistor

Gnd

n* junctions

(b) p* substrate tie

Fig. 2.16 (o) A CMOS digital inverter and (b} a possible layout with several

design rules illustrated.
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butting contact was used to connect the n-channel source to a p+ -substrate tie, and
both will be connected to ground. In a typical set of design rules, a maximum distance
between transistors and well (or substrate) ties is specified, and a maximum distance
between substrate ties is also specified. For example, the rules might specify that no
transistor can be more than 1004 from a substrate tie. These rules are necessary to pre-
vent latch-up, a phenomenon described at the end of this chapter.

As a final example, we describe the layout of a large transistor. Normally, a wide
transistor is composed of smaller transistors connected in parallel. A simplified layout
of this approach is shown in Fig. 2.17(a), where four transistors that have a common
gate are connected in parailel. Figure 2.17(b) shows the circuit corresponding to the
layout in Fig. 2.17(a), where the transistors have been drawn in the same relative
positions. Figure 2.17(c) shows the same circuit redrawn differently, where it is clear
that the circuit consists of four transistors connected in parallel. Notice that the second
and fourth junction regions are connected by metal to node 1, whereas the first, third,
and fifth junction regions are connected by metal to realize node 2. Because it has a
larger total junction area and especially a larger perimeter, node 2 will have a much
greater junction capacitance than node 1. Thus, when the equivalent transistor is con-
nected to a circuit, node 1 should be connected to the more critical node, Also notice
the large number of contacts used to minimize the contact impedance. Normally,
some of these are butting contacts if either node 1 or node 2 is connected to an appro-
priate power supply. The use of many contacts in wide junction regions greatly mini-
mizes voltage drops that would otherwise occur due to the relatively high resistivity
of silicon junctions compared to the resistivity of the metal that overlays the junctions
and connects them.’ =

Design rules also specify the minimum pitch between polysilicon interconnects,
metal 1 interconnects, and metal 2 interconnects. These might be 2A, 2A, and 32,
respectively. Metal 2 requires a larger minimum pitch because it resides further from
the silicon surface where the topography is less even. The minimum widths of poly,
metai 1, and metal 2 might also be 24, 2A, and 3A, respectively.

This concludes our brief introduction to layout and design rules. In a modern pro-
cess, many more design rules are used than those just described. However, the reasons
for using and the methods of applying these rules is similar to that which has been
described. Finally, note that when one does modern microcircuit layout, the design
rules are usually available to the layout program and are automatically checked as lay-
out progresses.

EXAMPLE 2.2

Consider the transistor shown in Fig. 2.17, where the total width of the five par-
allel transistors is 804, its length is 2A, and A = 0.5 um. Assuming node 2 is
the source, node 1 is the drain, and the device is in the active region, find the

5. The use of metal to overlay a higher-resistivity interconnect, such as polysilicon or heavily-doped sili-
con, is recommended to lower the resistivity of the interconnect.
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Fig. 2.17 Connecling four fransistors in parallel to realize a single large
transistor: (a) the layout, (b) the schematic drawn in the same relative posi-
tions as the layout, and (¢ the circuit redrawn to make the parallel transistors
more obvious.
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source-bulk and drain-bulk capacitances given the parameters C; =
2.4% 10" pF/(um)’ and Cj,,, = 2.0x 107 pF/um. Also find the equiva-
lent capacitances if the transistor were realized as a single device with source
and drain contacts still evenly placed.
Solution A

Starting with node 1, the drain, we find that the areas of the junctions are equal to

Ay, = Ay = 6L x20A = 1204% = 30 (um)’
Ignoring the gate side, the perimeters are given by

PJ?_ = PJ4 = 6A.+6K = IZK = 6|.Lm
As aresult, Cyy, can be estimated to be
Cdb = Z(AJQCJ-'FPJij,sw) = 0.017 pF

For node 2, the source, we have

Ay, = Ay = 5Ax20A = 1004 = 25 (um)*
and

A, = Ay, = 30 (um)’

The perimeters are found to be

Py = Pys = 5A+5A+20A = 304 = 15 um
and

Py = Py =B um
resulting in an estimate for Cg, of
Csb = (AJl + AJ3 + AJS + VVI_)CJ + (PJI + PJ3 + PJS)Cj-SW = 0.036 pF

It should be noted that, even without the additional capacitance due to the WL
gate area, node 1 has less capacitance than node 2 since it has less area and
perimeter.

In the case where the transistor is a single wide device, rather than four tran-
sistors in parallel, we find

A, = 5Ax80A = 400A° = 100 (um)’
and
P, = 5A+ 51 +80% = 90X = 45 um

resulting in Cy, = 0.033 pF and Cg, = 0.043 pF. Note that in this case, Cyy
is nearly twice what it is when four parallel transistors are used.

2.4 ANALOG LAYOUT CONSIDERATIONS

When one designs analog circuits, several important layout issues should be consid-
ered to realize high-quality circuits. These issues can be broadly divided into two cat-
egories—matching and noise issues.
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Matching Issues

When integrated components are realized using lithographic techniques, a variety
of two-dimensional effects can cause the effective sizes of the components to differ
from the sizes of the glass layout masks. Some examples of these effects are illus-
trated in Fig. 2.18. For example, Fig. 2.18(a) shows how an effective well area will
typically be larger than its mask due to the lateral diffusion that occurs not just dur-
ing ion implantation but also during later high-temperature steps, such as anneal-
ing. Another effect, known as overerching, occurs when layers such as polysilicon
or metal are being etched. Figure 2.18(b), for example, shows overetching that
oceurs under the SiO, protective layer at the polysilicon edges and causes the poly-
silicon layer to be smaller than the corresponding mask layout. A third effect is
shown in Fig. 2.18(c), where an n-channel transistor is shown as we look along the
channel from the drain to the source. The width of the transistor is defined by the
width of the active region (as opposed to the width of the polysilicon line), and
this width is determined by the field-oxide. The p~ field implant under the field-
oxide causes the effective substrate doping to be greater at the sides of the transis-
tors than elsewhere. This increased doping raises the effective transistor threshold
voltage near the sides of the transistors and therefore decreases the channel-charge
density at the edges. The result is that the effective width of the transistor is less
than the width drawn on the layout mask. The examples shown illustrate typical
sizing effects, but many other second-order effects influence the realized compo-

SiO, protection Si0, protection Polysilicon gate

Well

Qveretching

Lateral diffusion under SiO, mask ‘
(a@ (b)

Polysilicon gate Transistor channel

7 .—.— ---." 7

L,

p* field implants Channel width narrowing

(c)

Fig. 2.18 Various two-dimensional effects causing sizes of realized microcircuit compo-
nents to differ from sizes of layout masks. '
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object, the size of the opening in a protective layout through which etching occurs,
and the unevenness of the surface of the microcircuit [Maloberti, 1994]. For these
reasons, the absolute sizes of microcircuit components can seldom be accurately
determined. These inaccuracies also affect the ratios of sizes, although to a lesser
degree, when the ratio is not unity (unless the second-order size error effects are
matched). Matching second-order size error effects is done mainly by making
larger objects out of several unit-sized components connected together. Also, for
best accuracy, the boundary conditions around all objects should be matched, even
when this means adding extra unused components. Next, we give some examples
of how to apply these principles with regard to realizing transistors, capacitors, and
resistors.

ﬁ nent sizes. These other effects include those caused by boundary conditions of an

Transistor Layouts

Transistors in analog circuits are typically much wider than transistors in digital cir-
cuits. For this reason, they are commonly laid out using multiple-gate fingers similar

to the layout shown in Fig. 2.17. When precision matching between transistors is
I required, then not only should the individual transistors be realized by combining a

single-sized unit transistor, but the fingers for one transistor should be interdigitated
with the fingers of the second transistor. This approach, known as common-centroid
layout, helps match errors caused by gradient effects across a microcircuit, such as the
temperature or the gate-oxide thickness changing across the microcircuit. An example
of a common-centroid layout of two identical matched transistors whose sources are
connected is shown in Fig. 2.19 in simplified form [O’Leary, 1991; Maloberti, 1994].

SM1 M2

DM1

Dy &

Fig. 2.19 A common-centroid layout for a differential sourcecoupled pair.
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Each of the two transistors is composed of five separate transistor fingers connected
in parallel. The outside fingers have separate second-order size effects, and therefore
one outside finger is used for M, and one is used for M,. Inside the structure, the fin-
gers occur in doubles—two for M,, two for M, two for M,, and so on. Thus, the lay-
out is symmetric in both the x and y axes, and any gradients across the microcircuit
would affect both M, and M, in the same way. This layout technique greatly mini-
mizes nonidealities such as opamp input-offset voltage errors when using a differen-
tial pair in the input stage of an opamp.

When current mirrors with ratios other than unity are required, again, each of the
individual transistors should be realized from a single unit-sized transistor. For exam-
ple, if a current ratio of 1:2 were desired, then the input transistor might be made from
four fingers, whereas the output transistor might be realized using eight identical fin-
gers. In addition, for the greatest accuracy, all fingers should be inside fingers only.
Qutside, or dummy, fingers would only be included for better matching accuracy and '_
would have no other function. The gates of these dummy fingers are normally con- i
nected to the most negative power-supply voltage to ensure they are always turned off
{or they are connected to the positive power supply in the case of p-channel transistors).

Capacitor Maiching

Very often, analog circuits require precise ratios of capacitors. 1deally, capacitor size
is given by
80)( B
C, = —A =Gy (2.13)
ox

The major sources of errors in realizing capacitors are due to overstching (which
causes the area to be smaller than the area of the layout masks} and an oxide-thickness
gradient across the surface of the microcireuit. The former effect is usually dominant
and can be minimized by realizing larger capacitors from a parallel combination of
smaller, unit-sized capacitors, similar to what is usually done for transistors. For exam-
ple, to realize two capacitors that have a ratio of 4:6, the first capacitor might be real-
ized from four unit-sized capacitors, whereas the second capacitor might be realized
by six unit-sized capacitors. Errors due to the gradient of the oxide thickness can then
be minimized by interspersing the unit-sized capacitors in a common-centroid layout
so the gradient changes affect both capacitors in the same way. Since oxide-thickness
variations are not usually large in a reasonably small area, this common-centroid lay-
out is not typically used except where very accurate capacitors are required.

If only unit-sized capacitors are used, then any overetching will leave the capaci-
tor ratio unaffected. Thus, good designers strive to realize circuits in which only unit-
sized capacitors are needed. Unfortunately, this situation is not always possible. When
it is not, overetching error can still be minimized by realizing a nonunit-sized capaci-
tor with a specific perimeter-to-area ratio. To determine the correct ratio, first note
that the error due to overetching is roughly proportional to the perimeter of the capac-
itor. Specifically, if we assume that a capacitor has an absolute overetching given by
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Ae and that its ideal dimensions are given by X, and y,, then its true dimensions are
givenby X,, = X, - 2Ae and y,, = ¥, - 2Ae, and the true capacitor size is given by
Ca = CoxXja¥ia = Coul(X; —24Ae)(y, - 2Ae) (2.14)
This situation is illustrated in Fig. 2.20. Thus, the error in the true capacitance is given
by
AC; = CoeXia¥ia— CoxXiy) = Coul-248(X, +Y,) + 4A87] (2.15)
When this error is small, then the second-order error term can be ignored and (2.15)
can be approximated by

AC, = —2Ae(X, +¥,)C (2.16)
The relative error in the capacitor is therefore given by
AC —2Ae(x, +
g, = — & = (i ty) (2.17)
Cigeal XY

Thus, the relative capacitor error is approximately proportional to the negative of the
ratio of the ideal perimeter to the ideal area (assuming only small errors exist, which is
reasonable since, if the errors were not small, then that capacitor sizing would proba-
bly not be used). When we realize two capacitors that have different sizes, usually the
ratio of one capacitor to the other is important, rather than their absolute sizes, This
ratio is given by

% _Ci(1+¢g,)
Ca Call+g9)

If the two capacitors have the same relative errors (i.e., €, = €., ), then their true
ratio is equal to their ideal ratio even when they are not the same sizes. Using (2.17),
we see that the relative errors are the same if they both have the same perimeter-to-
area ratio. This leads to the following result: To minimize errors in capacitor ratios
due to overerching, their perimeter-to-area ratios should be kept the same, even when
the capacitors are different sizes.

Normally, the unit-sized capacitor will be taken square. When a non-unit-sized
capacitor is required, it is usually set 10 between one and two times the unit-sized
capacitor and is rectangular in shape, so that it has the same number of corners as

(2.18)

«— X —»

4— X, -2Ae ? T

y1—24e Y1

| !
S0 \’\

Ae

Ae True capacitor size

Fig. 2.20 Capacitor errors due fo over
Ideal capacitor size etching.
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the unit-sized capacitor. Defining K to be a desired non-unit-sized capacitor ratio, we
have
C A X
K= 22 P _ %Y (2.19)
Cl Al XT

where G|, A, and X, represent the capacitance, area, and side-length of a unit-sized
capacitor, respectively. Variables C,, A;, X5, and Y, are similarly defined, except this

non-unit-sized capacitor is now rectangular. Equating the ratios of the perimeters-to-
areas implies that

P, P,
—= = _ (2.20)
Ay A
where P and P, represent the perimeters of the two capacitors. Rearranging (2.20),
we have
P A
2-22K (2.21)
Py A
which implies that K can also be written as the ratio of perimeters,
X, +
K= 2 (2.22)
2%,
This can be rearranged to become
X, +Y, = 2KX, (2.23)
Also rearranging (2.19), we have
Kxf
X, = — (2.24)
Y2
Combining (2.23) and (2.24), we find the quadratic equation
yi o 2Kx,y, + KX: = 0 (2.25)
which can be solved to give
Y, = X;(K£ JK2-K) (2.26)

Recall that K is assumed to be greater than one, which ensures that the square root in
(2.26) is applied to a positive number. The value for X, is then given by (2.24).

EXAMPLE 2.3

Show a layout that might be used to match two capacitors of size 4 and 2.314
units, where a unit-sized capacitor is 10 dm x 10 pm .
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10 um 10 pm
ool o-H
. - ¥ 19.6 um
- J ]
4 units 2.314 units

Fig. 221 A capacitor layout with equal perimeterto-area
ratios of 4 units and 2.314 units.

Solution

Four units are simply laid out as four unit-sized capacitors in parallel. We break
the 2.314-unit capacitor up into one unit-sized capacitor in parallel with another
rectangular capacitor of size 1.314 units. The lengths of the sides for this rectan-
gular capacitor are found from (2.26), resulting in

y, = 10um(1.314i 1.3142-1.314) = 19.56 um or 6.717 um

Either of these results can be chosen for ¥, and the other result becomes X,; in
other words, the choice of sign affects only the rectangle orientation. Thus, we
have the capacitor layout as shown in Fig. 2.21 Note that the ratio of the area of
the rectangular capacitor to its perimeter equals 2.5, which is the same as the
ratio for the unit-sized capacitor. -

Several other considerations should be followed when realizing accurate capaci-
tor ratios. Usually the bottom plate of capacitors will be the first layer of polysili-
con or, in some technologies, an ion-implanted region. This region is usually
common to many unit-size capacitors.® The interconnection of the top plates, which
are almost always polysilicon, can often be done in first-level metal with contacts to
the polysilicon plates. In some technologies this is not possible, and the polysilicon
plates must be interconnected through polysilicon tabs at the sides. These tabs will
contact to metal in a region where the bottom-plate polysilicon is not present. The
parasitic capacitances of these tabs should be matched as much as possible. This
matching often entails adding additional tabs that are not connected anywhere.
Another common matching technigue is to ensure that the boundary conditions
around the unit-sized capacitors match. This boundary-condition matching is accom-
plished by adding additional top-plate polysilicon around the outside boundaries of
unit-sized capacitors at the edge of an array. Many of these principles are illustrated
in the simplified tayout of two capacitors shown in Fig. 2.22. Each capacitor in the

6. It is usualty possible to realize the bottom plate over the top of a well region that has many contacts con-
necied to a low-noise power-supply voltage. This well regien acts as a shield to help keep substrate noise
out of the bottom piate of the capacitor.
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Well contacts

Polysilicon bottom plate

Polysilicon top plates

Polysilicon edge matching

Well region

Fig. 2.22 A simplified layout of a capacitor array.

figure consists of two unit-sized capacitors. An additional technique sometimes

used (not shown in Fig. 2.22) is to cover the top plates with the first layer of metal,

which is then connected to the bottom plate. This sandwich-like structure not only .

gives additional capacitance per area but moré importantly, shields the top level of

polysilicon from electromagnetic interference in the air. The capacitor plate formed ‘

from the “sandwiched” top level of polysilicon is then connected to critical nodes,

such as the virtual inputs of amplifiers. |
An important consideration when using capacitors in switched-capacitor circuits

is that the bottom plate usually has more noise coupled into it than the top plate

because of the large parasitic capacitance between the bottom plate and the silicon ‘

region. Therefore the top plate should be connected to critical nodes such as the vir-

tual inputs of opamps, whereas the bottom plate can be connected to less critical r

nodes such as opamp outputs. |
For more details concerning the realization of integrated capacitors, the interested

reader can see [Allstot, 1983; O'Leary, 1991; Maloberti, 1994].

Resistor Layout

Integrated resistors can be realized using a wide variety of different conductors. A
popular choice is polysilicon, which is a deposited and etched material. Other choices
include diffused or ion-implanted regions such as junctions, wells, or base regions.
Another possibility is deposited and etched thin-film resistors such as nichrome (con-
sisting of 80 percent nickel and 20 percent chromium) or tantalum. The temperature
coefficient of ion-implanted or diffused resistors tends to be positive and large (espe-
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cially for larger resistivities) with values as large as 1,000 to 3,000 ppn/°C. On the
other hand, the temperature coefficient for thin-film resistors can be as small as 100
ppm/°C. Polysilicon resistors usually have large positive temperature coefficients
(say, 1,000 ppm/°C) for low-resistivity polysilicon ranging to moderately large, nega-
tive temperature coefficients for specially doped, high-resistivity polysilicon. The
positive temperature coefficients are primarily due to mobility degradation that results
from temperature increases. In implanted and diffused resistors, nonlinear resistance
varies greatly with voltage because the depletion-region width is dependent on volt-
age in the more heavily doped conductive region. This depletion-region width varia-
tion is substantially smaller in a polysilicon resistor, which is one of the major reasons
polysilicon resistors are preferred over implanted resistors even though they often
require more area due to the low resistivity. When thin-film resistors are available in a
particular technology, they are almost always the preferred type—unfortunately, they
are seldom available.

Regardless of the type of resistor used, the equations governing the resistance
{see the Appendix of Chapter 1) are given by

Ry =P (2.27)

where Ry is the resistance per square, p = 1/(qu,Np) is the resistivity,” t is the
thickness of the conductor, and Ny, is the concentration of carriers, which we assume
are electrons. The total resistance is then given by

R = VLVRG ) (2.28)
where L is the length of the resistor and W is the width of the resistor.

Often, the typical resistivity encountered in integrated circuits is small. For
example, the typical resistivity of the polysilicon layer used to form transistor gates
is about 20 Q/]. Polysilicon is the layer most commoenly used to form resistors
inside microcircuits.® To obtain medium-sized resistors, one must usually use a ser-
pentine layout similar to that shown in Fig. 2.23. When calculating the resistance of
such a structure, one must make allowance for the bends and for the end contacts.
For example, the contact structure chosen contributes 0.14 squares [Reinhard, 1987,
Grebene, 1984], and each bend contributes 2.11 squares® [Glasser, 1977]. For the
structure shown, each finger contributes 10 squares each for a total of 70 squares, the
two contacts contribute 0.28 squares, and the six bends contribute 12.66 squares.
Thus, the total is 82.94 squares. If the resistivity of the resistor is 20 Q/0O, then the
total resistance is

R = 82.94 O x 20 Q/0 = 1.659 kQ (2.29)

7. This equation is valid for resistors with electron carriers. For resistors with holes as carriers,

p = 1/(gpNy).

8. In a modern process, where the gates are formed from a sandwich of a refractory metal over polysilicon,
i.e., a polycide, or silicide, then the resistivity is much smaller, perhaps 1-5 £/, and the gate layer is not
useful for realizing moderate-sized resistors.

9. If the bends had been semicircular rather than square. they would have contributed 2.9¢ [ each.
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0.140 i

100

&P
2110

Fig. 2.23 A typical layout for an integrated resistor.

To this value, an additional impedance due to the contacts, about 20 €2 per contact,
should be added to give a total resistance of about 1.70 k€Q. Note that quite large
structures are required even for relatively small resistances when gate poly is vused to
realize the resistor. "

When very accurate resistor ratios are required and the ratio can be expressed as a
ratio of integer values, then an architecture similar to that shown in Fig. 2.24 can be

Dummy

Dummy
resistor

resistor
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used. The resistor consists of several fingers connected at their ends using low-resis-
tivity metal. This approach matches errors caused by the contact impedance between
R, and R,. Also, two dummy fingers have been included to match boundary condi-
tions. This structure might result in about 0.1 percent matching accuracy of identical
resistors if the finger widths are relatively wide (say, 10 um in a 0.8-um technology).

As with integrated capacitors, it is a good idea to place a shield under a resistor
that is connected to a clean power supply. An appropriate shield might be a well
region. This shielding helps keep substrate noise from being injected into the conduc-
tive layer. (Noise is due to capacitive coupling between the substrate and a large resis-
tor structure.) Also, the parasitic capacitance between the resistor and the shield
should be modelled during simulation. Its second-order effects on circuits such as RC
filters can often be eliminated using optimization, which is available in many SPICE-
like simulators. For low-noise designs, a metal shield over the top of a resistor may
also be necessary, although it will result in a corresponding increase in capacitance.

For mere information on realizing accurate resistor ratios, the reader is referred to
[O’Leary, 1991; Maloberti, 1994].

Noise Considerations

Some additional layout issues help minimize noise in analog circuits. Most of these
issues either attempt to minimize noise from digital circuits coupling inio the sub-
strate or analog power supplies, or try to minimize substrate noise that affects analog
circuits. -

With analog circuits, it is critical that different power-supply connections be used
for analog circuits than for digital circuits. Ideally, these duplicate power supplies are
connected only off the chip. Where a single /O pin must be used for the power supply,
it is still possible to use two different bonding wires extending from a single-package
I/O pin to two separate bonding pads on the integrated circuit. At a very minimum,
even if a single bonding pad is used for both analog and digital circuitry, two separated
nets from the bonding pad out should be used for the different types of circuitry, as
Fig. 2.25 shows. The reason the power-supply interconnects must be separated is that
the interconnect does not have zero impedance. Every time a digital gate or buffer
changes state, a glitch is injected on the digital power supply and in the surrounding
substrate. By having the analog power supplies separate, we prevent this noise from
affecting the analog circuitry. In the ideal case, separate pins are used for the positive
power supply and for ground in both the digital and analog circuits. In addition,
another pair of pins may be used for the supply voltage and ground for digital output
buffers, which can inject very large current spikes. Finally, sometimes multiple pins
are used for additional supply and grounds for very large microcircuits,

Another common precaution is to lay out the digital and analog circuitry in dif-
ferent sections of the microcircuit. The two sections should be separated by guard
rings and wells connected to the power-supply voltages, as Fig. 2.26 shows. The p*
connections to ground help keep a low-impedance path between the substrate and
ground. For modelling purposes, the substrate can be modelled as a number of series-
connected resistors with the p* ground connections modelled as resistor-dividers
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I/O pad

Analog power-supply net Digital power-supply net

Fig. 2.25 Using separate nets for analog and digital power supplies.

having a small impedance to ground. These low-impedance ground connections help -
keep substrate noise from propagating through the resistive substrate. The use of the
n well between p* connections helps to further increase the resistive impedance of
the substrate between the analog and digital regions due to graded substrate doping.
Specifically, the p substrate often has 10 times higher doping at the surface of the
microcircuit compared to the doping level below the n well, which leads to a tenfold
increase in substrate resistivity between the twa p* connections. Finally, the n well
also operates as a bypass capacitor to help lower the noise on V.

Another important consideration when laying out a circuit that includes both ana-
log and digital circuits is the use of shiclds connected to either ground or to a separate
power-supply voltage. Figure 2.27 shows examples of the use of shields. In this exam-
ple, an n well is vsed to shield the substrate from the digital interconnect line. The
well is also used to shield an analog interconnect line from any substrate noise. This

Analog Dagltal
reg:on region
n weli

—|— Depletion region
AN acts as bypass

capacitor

p substrate

Fig. 2.26 Separating analog and digital areas with guard rings and wells in
an cftempt to minimize the injection of noise from digital circuits into the sub-
strate under the analog circuit.
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) Analog interconnect
Ground line used for shielding T —

p~ substrate

' Fig. 2.27 Using shields helps keep noise from being capacitively coupled into
and out of the substrate.

shield is ideally connected to a ground net that is used only for shields. If this type of
connection is not possible due to layout and space constraints, then the digital ground
can be used for the shields, although this is not ideal. In the example, the shield
ground is also connected to metal lines that separate the analog and digital lines from
each other and from other interconnect lines. Finally, an additional metal shield might
be placed above the lines as well. This final shield may be somewhat excessive, but it
can often be easily realized in many parts of the microcircuit if ground and power-
supply lines are distributed in metal 2, perpendicular to the metal-1 interconnect lines.
[t should also be mentioned that the n well shield also acts as a bypass capacitor; this
helps minimize noise in the substrate, which is connected to Vpp. Additional layers
that are often used as shields are the polysilicon layers.

Perhaps the most effective technique for minimizing the propagation of substrate
noise in a mixed-mode microcircuit containing both analog and digital circuitry is the
use of an epitaxial process. An epitaxial process places a conductive layer under all
transistors. Any charge flowing through the substrate is attracted to this layer and does
not propagate into sensitive analogs regions. Although this process is more expensive,
it also helps prevent latch-up. For submicron technologies, this epitaxial process is
becoming more common because of its reduced latch-up sensitivity.

Careful thought should go into the overall placement of different blocks in a
mixed-mode analog-digital microcircuit. A possible arrangement for an analog section
Containing switched-capacitor circuits is shown in Fig. 2.28, Notice that an n well
shield is being used under the capacitors. Notice also that the clock lines are not only
as far from the opamps as possible, but are also separated by two wells and a Vgg
interconnect that is liberally connected to the substrate, two ground (Gnd) lines, and a
Vpp line. A well is placed under the clock lines as a shield. This shield is connected to
a separate ground line (perhaps digital ground) from the one used in the opamp region
because this shield will likely have quite a bit of clock noise coupled into it. Also note
that a separate Vp line is used to connect to the n wells under the switches, a region
where digital interconnects exist. as is used in the critical opamp section.
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VDD

Opamps

Contact to substrate

n well under capacitor region Capacitors

Region for n-channel switches

Switches

n well under p-channel switch region n well shield and

bypass capacitor

Clock lines

Fig. 2.28 A possible floor plan for an analog section containing switched-capacitor circuits.

One last technique for noise minimization in analog microcircuits should always
be used: After layout has been finished, any unused space should be filled with addi-
tional contacts to both the substrate and to the wells, which are used as bypass
capacitors. In a typical microcircuit, this results in a significant increase in bypass cap-
acitance.

Many other techniques have been developed by various companies, but the pre-
ceding techniques give the reader a good idea of the types of practical considerations
necessary when realizing high-performance analog microcircuits.

2.5 LATCH-UP :

One of the effects that CMOS designers must be wary of, especially as dimensions

shrink, is latch-up. This effect can occur when there are relatively large substrate or

well currents or, equivalently, large substrate or well voltage drops, that might be )
caused by capacitive coupling. These triggering voltage drops often occur when |
power is first applied to a CMOS microcircuit.
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A latched-up microcircuit is equivalent to a turned-on silicon-controlled rectifier
(SCR) between the power supply and ground. This SCR effectively short-circuits the
power supply on the microcircuit and, unless the supply-current is limited, irreparable
damage will probably occur (such as a fused open bonding wire or interconnect line).

To understand latch-up, consider the cross section of the CMOS inverter shown
in Fig. 2.29 with the parasitic bipolar transistors Q; and Q,. Q, is a lateral npn, with
the base being formed by the p~ substrate, whereas Q, is a vertical pnp, with the base
being formed by the n-well region. The parasitic bipolar circuit has been redrawn in
Fig. 2.30 along with some of the parasitic resistances due to the lightly doped sub-
strate and well regions. The circuit realizes two cross-coupled common-emitter ampli-
fiers in a positive feedback loop. This is the equivalent circuit of an SCR, which is
sometimes referred to as a crowbar switch.

Normally, the parasitic bipolar transistors are off, and the voltages are as shown
in Fig. 2.30(a). However, if latch-up is somehow triggered, they turn on when the

P p~ substrate

Fig. 2.29 Cross section of a CMOS inverter with superimposed schematic of the parasitic
transistors responsible for the latch-up mechanism.

02 I—#I QZ l—_"
oV 5V 0.7V 02V

Vinvo_” L: QT '—{ O1

L
5 5
= . = 2
(a)

Fig. 2.30 (o) The equivalent circuit of the parasitic bipolar transistors, and (b}
the voltages after latch-up has occurred.

HP
(b)
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loop gain is larger than unity, and as a result, the voltages are approximately those
shown in Fig. 2.30(b). This turned-on SCR effectively places a short-circuit across the
power-supply voltage and pulls Vpp down to approximately 0.9 V. If the power sup-
ply does not have a current limit, then excessive current will flow and some portion of
the microcircuit may be destroyed.

Latch-up can be triggered in several ways. For example, the output of the
CMOS inverter, V,, in Fig. 2.29, is capacitively coupled to the bases of the bipolar
transistors by the junction depletion capacitances of the MOS drains. If the inverter
is large (as in the case of an output buffer), these capacitances will be large. When
the output of the inverter changes, glitches will be capacitively coupled to the base
nodes of the parasitic bipolars and may cause latch-up. Alternatively, substrate cur-
rents caused by hot-carrier electrons can also result in voltage drops large enough to
trigger latch-up.

To prevent latch-up, the loop gain of the cross-coupled bipolar inverters must be
kept less than unity. This low loop gain is normally achieved by keeping the current
gains of the parasitic bipolars as low as is possible, and most importantly, by keep-
ing shunting resistors R, and R as small as possible. The current gain of the verti-
cal pnp, Q,, might be 50 to 100 and is difficult to minimize. The current gain of the
lateral npn can be decreased by larger spacings between n-channel and p-channel
transistors. However, with typically used spacings, the product BrpnBpnp is still nor-
mally greater than 1. The loop gain is kept less than unity primarily by decreasing
R, and R, :

R, and R, are decreased mainly by having low-impedance paths between the
substrate and well to the power supplies. One way to achieve these low-impedance
paths is to have many contacts to the substrate. For example, with an n-well tech-
nology, the design rules normally specify a maximum distance between any place in
the n-channel region of the microcircuit and the closest p* junction, which con-
nects the substrate to ground. Similarly, in the p-channel regions, the maximum dis-
tance to the nearest N* junction, which connects the n wells to Vo, is specified.
Also, after layout is completed, a good designer fills any unused areas with extra
connections to the substrate and well regions. In addition, any transistors that con-
duct large currents are usually surrounded by guard rings. These guard rings are
connections to the substrate for n-channel transistors, or to the n well for p-channel
transistors, that completely surround the high-current transistors. Also, ensuring that
the back of the die is connected to ground through a eutectic gold bond to the pack-
age header is helpful. .

One of the best ways of preventing latch-up is to use an epitaxial process, espe-
cially one with highly doped buried layers. For example, if a p* substrate has a p~
epitaxial layer in which the transistors are placed, device performance is only margin-
ally affected, but the highly conductive p* substrate has very little impedance to
ground contacts and to the package header. Alternatively, one might use a p~ sub-
strate that has n* - and p-buried regions and an intrinsic epitaxial region that is sepa-
rately and optimally ion implanted to form the n-channel and p-channel regions. This
self-aligned twin-tub technology is very immune to latch-up due to the highly con-
ductive buried layers,
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2.7 PROBLEMS

Unless otherwise stated, assume the following hold throughout the problems section:

* npn bipolar transistors:

B = 100
Va=8V
T, = 13 ps
T, = 4 ns
, = 330 Q

* n-channel MOS transistors:
UnCox = 92 pA/V?
V,, = 08V
y=05Vv'"
Tgs () = 8, OOOL (pm)/ID {mA) in active region
Ci=24x 10" pF/(p.m)
Cl sw =2.0x% 10 pF/um
C.,,=19x10" pF/(l,Lm)
Cgs(ovedap) = ng(overlap) = 2.0x 10~ pF/um
+ p-channel MOS transistors:
U,Cox = 30 pA/V?
V =09V
y =08 yi72
rge (Q) = 12,000L (um)/Ip (mA) in active region
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2.1

2.2

23

24

25

2.6
2.7
2.8

2.9

Polysilicon

Fig. P2.9

2.10

C;=4.5x 10" pF/(um)’

Cj-sw =25x% Ig pF/pm "

C,i=1.9% 107 pE/ ()

Cgs(overlap'l = ng{overlap; = 20x 10~ pF/pm
Discuss briefly the relationships between an ion beam’s acceleration potential,
the beam current, and the time of implantation on the resulting doping profile.
Place the following processing steps in their correct order: metal deposition
and patterning, field implantation, junction implantation, well implantation,
polysilicon deposition and patterning, field-oxide growth.
What are the major problems associated with a single threshold-voltage-adjust
implant?
What is the reason for using a field implant and why is it often not needed in
the well regions?
What are the major trade-offs in using a wet process or a dry process when
growing thermal SiO,?
Why is polysilicon rather than metal used to realize gates of MOS transistors?
Why can’t a microcircuit be annealed after metal has been deposited?
What minimum distance. in terms of A, would you expect that metal should be
separated from polysilicon? Why?

Find the circuit that the layout shown in Fig. P2.9 realizes. Simplify the circuit,
if possible, and give the sizes of all transistors. Assume L = 2A, where A = 1
pm. -

Active region

Find the transistor schematic for the CMOS logic circuit realized by the layout
shown in Fig. P2.10. Give the widths of all transistors. Assume L = 24,
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where A = 0.4 um. In tabular form, give the area and perimeter of each junc-
tion that is not connected to Vpp or to ground.

n well

Polysilicon

_ . - p diffusion

Active region

Fig. P2.10

2.11

2.12

213

2.14

2.15

2.16

Out

\g—— N diffusion
Metal

B L.
A B

Repeat Example 2.1 for the case in which the two transistors do not physically
share any junction, but each junction is realized in a way similar to junction
J.

Repeat Example 2.2 where an overall transistor width of 80 is still desired,
but assume 8 parallel transistors, each of width 102, are used.

Repeat Example 2.2 where an overall transistor width of 80A is still desired,
but-assume 2 parallel transistors, each of width 40, are used.

We desire to match two capacitors of relative sizes 9 and 4.523. Sketch a lay-
out for the two capacitors such that their ratio will be maintained during
overetching.

Given that a unit-sized capacitor is 5 m x 5 um and that the e-beam lithog-
raphy rounds all sizes to 0.1 pum, what is the matching accuracy due to round-
ing of the capacitors found in Problem 2.14? What is the new matching
accuracy if the capacitor sizes are doubled to 18 and 9.046?

Given that a polysilicon layer has 7 £/, what is the resistance of a long line
thatis 2 pm wide and 1,000 pm long? (Ignore any contact resistance.)

136 of 720




124  Chapter 2 ® Processing and Layout

2.17 Repeat Problem 2.16 for the case in which the resistive line is laid out in a ser-
pentine manner, as shown in Fig. 2.23, where enough bends are used such that

a line drawn along the middle of the serpentine resistor has length 1,000 pm
(the last finger length might be short). What is the resulting height and width of

the overall resistor layout?
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CHAPTER

3

Basic Current Mirrors
and Single-Stage
Amplifiers

In this chapter, fundamental building blocks are described. These blocks include a
variety of current mirrors, single-stage amplifiers with active loads, and differential
pairs. A good knowledge of these building blocks is critical to understanding many
subjects in the rest of this book and for analog IC design in general. Although some
bipolar circuits are described, CMOS mirrors and gain stages are emphasized because
modern designs mostly make use of CMOS technology. Fortunately, most of the
small-signal analyses presented can be applied to bipolar circuits with little change. In
addition, rather than using resistive loads and ac coupling, the gain stages covered are
shown with current-mirror active loads since such loads are almost always used in
integrated circuits. Finally, single-transistor amplifiers are described here for com-
pleteness, although it is assumed that most readers dre already somewhat familiar with
them.

3.1 SIMPLE CMOS CURRENT MIRROR

A simple CMOS current mirror is shown in Fig. 3.1, in which it is assumed that both
transistors are in the active region. If the finite output impedances of the transistors
are ignored, and it is assumed that both transistors are the same size, then Q, and Q,
will have the same current since they both have the same gate-source voltage, Ve
However, when finite output impedance is considered, whichever transistor has a
larger drain-source voltage will also have a larger current. In addition, the finite out-
put impedance of the transistors will cause the small-signal output impedance of the
current mirror, that is, the smatl-signal impedance looking into the drain of Q,, to be
less than infinite. To find the output impedance of the current mirror, r,,, the small-
signal circuit is analyzed after placing a signal source, v,, at the output node. Then by
definition, r,, is given by the ratio v,/i,, where i, is the current flowing out of the
source and into the drain of Q,.

Before finding r,,,, consider the small-signal model for Q, alone, as shown in
Fig. 3.2(a). Note that Q, is diode connected (i.e., its drain and gate are connected)
and that [;;, does not exist in the small-signal model; I, was replaced with an open
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Iin |l IDU!
Vi l r

out

g s

sy

= = Fig. 3.1 A simple CMOS current mirror.

Fig. 3.2 (a) The smallsignal model for Q, and {b} the equivalent smallsignal
model for Q.

circuit because it is an independent current source. Also note that a low-frequency
small-signal model is used for Q, (i.e., all the capacitors are ignored in the model).
This small-signal model can be further reduced by finding the Thévenin-equivalent
circuit. The Thévenin-equivalent output voltage is O since the circuit is stable and con-
tains no input signal. This circuit’s Thévenin-equivalent output impedance is found by
applying a test signal voltage, v,, at v, and measuring the signal current, iy, as
shown. Here, the current i, is given by

; Vy Vy

ly = —+0mVgs1 = f_ + 9miVy (3.1

y
Fgs1 dsl

and recalling that the output impedance is given by v, /iy, the output impedance equals
1/gm |l r4s;- Because typically ryg, >> 1/Qp,,, we approximate the output imped-
ance to be simply 1/¢,,, (which is also defined to be rg,), which results in the equiv-
alent model shown in Fig. 3.2(b). This same resuit holds in the bipolar case and is also
equivalent to the small-signal model for a diode—hence the name diode-connected
transistor.

Using the model just described leads to the simplified small-signal model for the ,
overall current mirror, as shown in Fig. 3.3(a), where Vg, has been connected to b
ground via a resistance of 1/g,,,. Since no current flows through the 1/9,,, resistor, 1
Vgs2 €quals 0 no matter what voltage level v, is applied to the current-mirror cutput.
This should come as no surprise, since MOS transistors operate unilaterally at low fre-
quencies. Thus, since gyn,Vgs: = O, the circuit is simplified to the equivalent small-
signal model shown in Fig. 3.3(b). The small-signal output impedance, ry,, is simply
equal to Tye;.
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Fig. 3.3 (o) A smallsignal model for the current mirror of Fig. 3.1 and [b) a
simplified smallsignoal model.

EXAMPLE 3.1

Consider the current mirror shown in Fig. 3.1, where [,, = 100 pA and each
transistor has W/L = 100 um/1.6 pm. Given that p,C., = 92 I.LA/VZ,
Vi, = 0.8V and ry, = [8,000L (um)]/[I5 (mA)], find r,,; for the current
mirror and the value of g,,,. Also, estimate the change in I, fora 0.5V
change in the output voltage.

Solufion

Since the W/L ratios of Q, and Q, are the same, the nominal value of I,
equals that of I, = 100 nA. Thus, we have
1.6

Cout = Tas2 = 8—’008;< = 128 kQ (3.2)

The value of g,,, is given by
Omi = 21,Cox(W/U)Ip, = 1.07 mA/V (3.3)

resulting in ry; = 1/9m, = 935 Q. Note that this rg; value is significantly less
than ryg,, which equals ry,, in this case.
The change in output current can be estimated, using f,,,, as

Aly = — = —=— =39 A (3.4)

rout

In other words, if initially I, is measured to be 101 pA (due to mismatch or a
larger Vg voltage), then a 0.5 V increase in output voltage would result in a
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new output current of about 105 pA. Note that this estimate does not account
for second-order effects such as the fact that ry, changes as the output current
changes.

3.2 COMMON-SOURCE AMPLIFIER

A commen use of simple current mirrors is in a single-stage amplifier with an active
load, as shown in Fig. 3.4. This common-source topology is the most popular gain
stage, especially when high-input impedance is desired.

Here, an n-channel common-source amplifier has a p-channel current mirror used
as an active load to supply the bias current for the drive transistor. By using an active
load, a high-impedance output load can be realized without using excessively large
resistors or a large power-supply voltage. As a result, for a given power-supply volt-
age, a larger voltage gain can be achieved using an active load than would be possible
if a resistor were used for the load. For example, if a 1-M£Q load were required with a
100-p A bias current, a resistive-load approach would require a power-supply voltage
of | MQ x 100 tA = 100 V. An active load makes use of the nonlinear, large-signal
transistor equations to create simultaneous conditions of large bias currents and large
small-signal resistances.

A small-signal equivalent circuit for low-frequency analysis of the common-
source amplifier of Fig. 3.4 is shown in Fig. 3.5. V,, and R, are the Thévenin
equivalent of the input source. It is assumed that the bias voltages are such that both i
transistors are in the active region. The output resistance, R, . is made up of the par-
allel combination of the drain-to-source resistance of Q, that is, ryy,, and the drain-

- Active load [
Q, Q,
Ibias Vout
‘-] rOLit
— v o—i &
= Vin Fig. 3.4 A common-source amplifier with a

- . current-mirror active load.

Rin
Ay l ' 0O Vou
Vm% o Om1Vgs1 Rz = rusi I Tye

Fig. 3.5 A smallsignal equivalent circuit for the common-source amplifier.
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to-source resistance of Q,, that is, rys,. Notice that the voltage-controlled current
source modelling the body effect has not been included since the source is at a
small-signal ground, and, therefore, this source always has  current.

Using small-signal analysis, we have Vgs1 = Vin and, therefore,

v
Ay = - ~GmiR2 = —Gmi(Fasr l Fas2) (3.5)

in

Depending on the device sizes, currents, and the technology used, a typical gain for
this circuit is in the range of —10 to -100. To achieve similar gains with resistive
loads, much larger power-supply voltages than 5 V must be used. This resistive-load
approach also greatly increases the power dissipation. However, it should be men-
tioned here that for low-gain, high-frequency stages, it may be desirable to use resis-
tor leads (if they do not require much silicon area) because they often have less
parasitic capacitances associated with them. They are also typically less noisy than
active loads.

EXAMPLE 3.2

Assume all transistors have W/L = 100 um/1.6 um in Fig. 3.4, and that
RnCox = 90 LA/VZ, W Coy = 30 A/VE, Ip,o = 100 pA, e (Q) =
8,000L (um)/Tp (mA), and Fee (@) = 12,000L (um)/T, (mA). What is the
gain of the stage?

Solution
We have
gml = '\/2,J'nCOX(W/L)]IbiaS = 106mAfV (36)
Also,
(e, = 2O00XLI6Um _ o0 kg 3.7)
0.1 mA
and
12,000 % 1.6 um
r = = 192 kQ 3.8
ds2 0.1 mA 38

Using Eq. (3.5), we have
Ay = —Gmi(Tgs; ITrys) = —1.06(128 [ 192) = -81.4 (3.9

3.3 SOURCE-FOLLOWER OR COMMON-DRAIN AMPLIFIER

Another general use of current mirrors is to supply the bias current of source-follower
amplifiers, as shown in Fig. 3.6. In this example, Q, is the source follower and Q, is

—~—
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Va.o—[- Q _‘i
. V.. 3
Q;
o F=— Active load  Tig- 3.6 A sourcefollower stage with a cur-

rent mirror used to supply the bias current.

an aciive load that supplies the bias current of Q. These amplifiers are commonly
used as voltage buffers and are therefore commonly called source followers. They are
also referred to as common-drain amplifiers, since the input and output nodes are at
the gate and source nodes, respectively, with the drain node being at small-signal
ground. Although the dc level of the output voltage is not the same as the dc level of
the input voltage, ideally the small-signal veltage gain is close to unity. In reality, it is
somewhat less than unity. However, although this circuit does not generate voltage
gain, it does have the ability to generate current gain.

A small-signal mode! for low-frequency analysis of this source-follower stage is
shown in Fig. 3.7. Note that the voltage-controlled current source that models the body
effect of MOS transistors has been included. This body effect is included because the
source is not at small-signal ground and the body effect is a major limitation on the
small-signal gain. Note that in Fig. 3.7, ry, is in parallel with ry,, . Notice also that the
voltage-controlied current source modelling the body effect produces a current that is
proportional to the voltage across it. This relationship makes the body effect equiva-
lent to a resistor of size 1/g,, which is also in parallel with ry., and ryg,. Thus, the
small-signal model of Fig. 3.7 is equivalent to the simplified small-signal model of
Fig. 3.8, in which Ry, = ryq I r4e. Il 1/gs,. Writing the nodal equation at v, and

noting that Vgg, = Vi, — Vg, We have
Vou1G51 =~ Fmi{(Vin=Vou) = 0 (3.10)
7 Vi
Vin = Vg1 O—J) g * ]
+ : -
gst ds1
? - gm1vgs1 gs1vs1
. - O Vour = Vg1
Va1

Fas2

Fig. 3.7 The low-frequency model of the sourcefollower amplifier.

143 of 720




3.2 SourceFollower or Common-Drain Amplifier 131

? - gm1vgs1
OVout
R;1
Fig. 3.8 An equivalent smalksignal madel for
= the source follower.
where Gg, = 1/R,,.! Before proceeding, it is worth mentioning here that the

authors have found that, to minimize circuit equation errors, a consistent methodology
should be maintained when writing nodal equations, The methodology employed here
is as follows: The first term is always the node at which the currents are being
summed. This node voltage is muitiplied by the sum of all admittances connected to
the node. The next negative terms are the adjacent node voltages, and each is multi-
plied by the connecting admittance. The last terms are any current sources with a mul-
tiplying negative sign used if the current is shown to flow into the node.
Solving for v,/ Vi,. we have

Vout _ Imi _ gml

Vin Im1 + Gsl Om1 + 9s1 + Jasi + Jas2
Normally, g, is on the order of one-tenth to one-fifth that of g,,,. Also, the transistor
output admittances, g4, and Jy,, might be one-tenth that of the body-effect param-
eter, Jq;. Therefore, it is seen that the body-efféct parameter is the major source of
error causing the gain to be less than unity. Notice also that at low frequencies the

stage is completely unilateral. In other words, there is no signal flow from the output
to the input,

A =

v

(3.11)

EXAMPLE 3.3

Consider the source follower of Fig. 3.6, where all transistors have W/L =
100 um/ 1.6 pm, p,Co = 90O pA/VE Gy, = 30 PA/VE Ty =
100 A, v, = 0.5 VU2 ry () = 8,000L (um)/Ip (mA). What is the gain
of the stage?

Solution
Notice that many parameters are the same as in Example 3.2. Repeating, we have
Om1 = 2MHnCox(W/L) Ipias = 1.06 mA/V (3.12)
Also,
(o = Fgq, = 200 LOKM e (3.13)
0.1 mA

1. Whenever a variable is designated G;. it is assumed that the variable is an admittance and that
G, = 1/R,. where R; is the resistance of the same component.
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The equation for the body-effect parameter, (Eq. 1.87) from Chapter 1, is

9. = TOm
s1 & T—————
2,/Vsp + [20¢|
To calculate this parameter, we need to know the source-bulk voltage, Vgg.
Unfortunately, this voltage is dependent on the application and cannot be known
accurately beforehand. Here we will assume that 5 V power supplies are being
used, and that Vgg = 2 V. This is somewhat arbitrary, but it is the best one can
do without more details. We therefore have

05-g,
gy = ——— = 0.15¢g, = 0.16 mA/V (3.15)

2J2+0.7

Using (3.11), we have

3.14)

_ 1.06
T 1.06+0.16+1/128 +1/128

Ay = 0.86 VIV (3.16)

Note that, as mentioned above, the fact that this result is so far below unity
is mainly due to the body-effect parameter, g.. If the body effect were not
present, the gain would be around 0.99 V/V.

3.4 COMMON-GATE AMPLIFIER ~

A common-gate amplifier with an active load is shown in Fig. 3.9. This stage is
commonly used as a gain stage when a relatively small input impedance is desired.
For example, it might be designed to have an input impedance of 50 Q to termi-
nate a 50-€ transmission line. Another common application for a common-gate
amplifier is the first stage of an amplifier designed to amplify current rather than
voltage.

If we use straightforward small-signal analysis, when the impedance seen at V
{in this case, the output impedance of the current mirror formed by Q, ) is much less
than ryg,, the input impedance, . is found to be 1/9,,, at low frequencies. How-
ever, in integrated applications, the impedance seen at V,;; is often on the same order
of magnitude or even much greater than ryg;. In this case, the input impedance at low
frequencies can be considerably larger than 1/g,,,. To see this result, consider the
small-signal model shown in Fig. 3.10. In this model, the voltage-dependent current
source that models the body effect has been included. Notice that vy, = ~V; and
therefore the two current sources can be combined into a single current source, as
shown in Fig. 3.11. This simplification is always possible for a transistor that has a
grounded gate in a small-signal model, and considerably simplifies taking the body
effect into account. Specifically, one can simply ignore the body effect for transistors
with grounded gates, and then, after the analysis is complete, simply replace the con-
stants Gy Wwith gn, + 9. However, for this example, we include the body-effect
parameter throughout the analysis.
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Active load
A/
Q, I_T_‘ Q,
Tos Vou
I'*:.but
d Vbias | Q'
T . - .
" Fig. 3.9 A common-gate amplifier with a cur-
Vin rent-mirror active load.
L 3 I 1 T OV
v
gs1 - R
gm1vgs1 Gs1Vs1 fost L
VS1 L riﬂ
Rs

Vin

Fig. 3.10 The smallsignal model of the common-gate amplifier at low
frequencies.

-

m & $ Q Vout

f
gst —_ (gm1+gs1)vs1 dst

Fig. 3.11 A simplified small-signal model of the common-gate
amplifier.

Atnode v, we have
Vout(GL"'gdsl)_vsigdsl"(gml+gsl)vsl =0 (3.17)
Rearranging slightly, we have

Vout _ Omi + Qs + gdsl
Vsl GL+gds]

(3.18)

where it should be noted that this gain is approximately equal to gp, /(G| + Qgs1)-
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The current going into the source of Q, is given by
bs = Vg1 (Gm1 + Gs1 + 9gs1) ~ Vourus, (3.19
Combining (3.18) and (3.19) to find the input admittance, y;, = 1/r;,, we have

_ Omi1 + s + Y9s) Gm1

i
Yin & — = = (3.20)
" Vsl gds] gdsl
1+ 1+
G, G,
Alternatively, we have
R
P S B P (3.21)
in gml rdsl

With the p-channel active load shown in Fig. 3.9, R = fg4,,. Since, in this case, R,
is approximately the same magnitude as ry,, the input impedance, f;,, is about
2/Q., for low frequencies—twice as large as the expected value of 1/gg,. This
increased input impedance must be taken into account in applications such as
transmission-line terminations. In some examples, the current-mirror output imped-
ance realized by Q, is much larger than ry, (i.e., R >> rys)), and so the input im-
pedance for this common-gate amplifier is much larger than 1/Q,,,. This increased
input impedance often occurs in integrated circuits and is not commonly known.

The attenuation from the input to the transistor source can be considerable for a
common-gate amplifier when R, is large. This attenuation is given by

Va __Gs (3.22)
Vin  Gg+VYin
using the admittance-divider rule.? Using (3.20) to replace Y;,, we have
Yor _ G (3.23)
1+g4e1/GL
Using (3.18) and (3.23), we find that the overall dc gain is given by
Vin (Gs+gm + s +gdsl) G|+ Qgs1
1+ gdsl/GL
(3.24)
— G5 Omi
- (Gs‘*’ Gmi ) G + Gys:
1+ gdsl/GL

2. This rule states that the gain is the ratio of the admittance connected between two nodes, divided by the
sum of that admittance and the admittance between the second node and ground.
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3.5 SOURCE-DEGENERATED CURRENT MIRRORS

We saw in Section 3.1 that a current mirror can be realized using only two transistors,
where the output impedance of this current source was seen to be ry,,. To increase
this output impedance, a source-degenerated current mirror can be used, as shown in
Fig. 3.12. The small-signal model for this current mirror is shown in Fig. 3.13. Since
no current flows into the gate, the gate voltage is 0 V.

Note that the current i, sourced by the applied voltage source is equal to the cur-
rent through the degeneration resistor, Rg. Therefore, we have

vy = iR (3.25)
Also, note that
Vgs = —Vs (3.26) |
Setting i, equal to the total current through Om2Vgs and rye, gives g
V-V ‘
b = GmaVgs + —— (3.27)
Nas2
Substituting (3.25) and (3.26) into (3.27) gives t
v, —i,R |
iy = —ixQyRs + ——— (3.28)
ds2
Im I lloul b
v, | ‘
- v lout
Q] |—0—’| 02 "
HS RS |
= = Fig. 3.12 A current mirror with source degeneration
iX
ov <+
J : Vgs T OmaVgs ty,

Fig. 3.13 The smallsignal mode! for the source-degenerated cur-
rent source.
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Rearranging, we find the output impedance to be given by

A
Tour = Tf = Iyea 1+ Ro(Gm2 + 9gs2)] = Tusa(1 + RsOmy) (3.29)
X
where Qg is equal to 1/Ty,,, which is much less than gy, (recall that g, = 1/15).
Thus, the output impedance has been increased by a factor approximately equal to
(1 +RsQm2)-

This formula can often be applied to moderately complicated circuits to quickly
estimate the impedances looking into a node. Such an example follows, in the deriva-
tion of the output impedance of cascode current mirrors.

It should be noted that the above derivation ignores the body effect of the transis-
tor, even though the source of the transistor is not connected to a small-signal ground.
As discussed earlier, in Section 3.4, since the gate is at a small-signal ground, the
body effect can be taken into account by simply replacing gm, in Eq. (3.29) with
Qm2 + Js2 - This substitution resuits in

v
lout = I_)-( = rdszll + Rs(gmz +9s: + gdsz)] = rdsz[l + Hs(gmz + gsz)] (3-30)
X
where g, is the body-effect constant. This result is only slightly different since g is
roughly one-fifth of g,,.

EXAMPLE 3.4

Consider the current mirror shown in Fig. 3.12, where I;, = 100 pA, each tran-
sistor has W/L = (100 um)/(1.6 pm), and Ry = 5kQ. Given that
LaCox = 92 uA/Vz, Vi, = 0.8 V, and ry = [8,000L (um)]/[Ip (mA}],
find r,,, for the current mirror. Assume the body effect can be approximated by
gs = 020y,

Solution

Nominally, I,,; = [, and thus we find the small-signal parameters for this cur-
rent mirror to be

Omz2 = 2UaCox(W/ L)y = 1.07 mA/V (3.31)
Also, as in Example 3.1, we have
fyey = &ﬂgr_”) - 128kQ (3.32)

Now, making use of (3.29), the output impedance is given by
out = 1281([1 + 5(1.07 £0.2x 1.07+ %éﬂ = 955 k2 (333)

Note that this result is nearly eight times the output impedance for a simple
current mirror as found in Example 3.1. Also note that the voltage drop across
R, equals 100 pA x5 kQ = 0.5 V due to the dc bias current through it.
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3.6 HIGH-OUTPUT-IMPEDANCE CURRENT MIRRORS

In this section two high-output-impedance current mirrors are described—the cascode
and the Wilson current mirrors. These current mirrors have output impedances that
are larger than that of a simple current mirror by a factor of gy, —the maximum
gain of a single transistor.

Cascode Current Mirrors

A cascode current mirror is shown in Fig. 3.14. First, note that the output impedance
looking into the drain of Qj is simply ry.,, which is seen using an analysis very simi-
lar to that which was used for the simple current mirror. Thus, the output impedance
can be immediately derived by considering Q, as a current source with a source-
degeneration resistor of value ryg,. Making use of Eq. (3.29), and noting that Q, is
now the cascode transistor rather than Qz, we have

Fout = Tasall + Rg(Gma + Gsa + Gasa)] (3.34)
where now R, = r,.,. Therefore, the output impedance is given by
Tout = rds4[I + rdsz(gm4 +t0st gds4)]

Fgsal 1 + Ta52(Oms + Gsa)] (3.35)

rds4( rdszgm4)

It

[Lh

Thus, the output impedance has been increased by a factor of g, lgs2» which is an
upper limit on the gain of a single-transistor MOS gain-stage, and might be a value
between 10 and 100, depending on the transistor sizes and currents and the technology
being used. This significant increase in output impedance can be instrumental in real-
izing single-stage amplifiers with large low-frequency gains.

There is a disadvantage in using a cascode current mirror—it reduces the maxi-
mum output-signal swings possible before transistors enter the triode region. To
understand this reduction, recall that for an n-channel transistor to be in the active
region (also called the saturation or pinch-off region) its drain-source voltage must be
greater than V4 : Vi was defined in (1.54) as

Vet = Vas — Vin (3.36)

I, Vou § llom

. Irroux
Qs I_J'_l Q,

Qg

Fig. 3.14 A cascode current mirror.
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which was shown in (1.80) to be given by '

Vv 2o (3.37)
o W, Cox(W/L) '
If we assume all transistors have the same sizes and currents, then they also all have
the same V4 and, therefore, the same gate-source voltages, Vggi = Vey + V,,- Also,
from Fig. 3.14, we see that

Vas = Vas) +Vgss = 2Ver +2Vy, (3.38)
and
Vos: = Vai—Vass = Vai— (Ve + Vin) = Ve + Viy (3.39)

Thus, the drain-source voltage of Q, is larger than the minimum needed to place it at
the edge of the active region. Specifically, the drain-source voltage of Q, is Vi,
(about 0.8 V) greater than what is required. Since the smallest output voltage, Vp,,
can be without Q, entering the triode region is given by Vpg, + Vg, the minimum
allowed voltage for V,, is given by

Vour> Vosz + Verr = 2V + Vi (3.40)

which, again, is V,, greater than the minimum value of 2V. This loss of signal
swing is a serious disadvantage when modern technologies are used that might
have a maximum allowed power-supply voltage as small as 3 V. In the next chap-
ter, we will see how the cascode current mirror can be modified to maintain large
output impedances and yet still allow for near minimum voltages at the output of
the mirror.

EXAMPLE 3.5

Consider the cascode current mirror shown in Fig. 3.14, where I, = 100 @A  §
and each transistor has W/L = (100 pm)/(1.6 pm). Given that u,C,, =
92 uA/V2, V,, = 0.8 V, and Ty = [8,000L (m)])/[Ip (mA)], find Ty
for the current mirror (approximate the body effect by 0.2g.,). Also find the
minimum output voltage at V,, such that the output transistors remain in the
active region.

Solution

Nominally, I,,, = I, and thus we can find the small-signal parameters for this
current mirror to be

Gms = JZ0aCorW/ D)oy = 1.07 mA/V (3.41)

We also have

Fass = Fgss = 8_'%-:—1‘9 = 128 kQ (3.42) 4
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Now, making use of (3.35), the output impedance is given by
foor = 128k[128(1.07 + 0.2 x 1.07)] = 21 MQ {3.43)

To find the minimum output voltage, we first need to determine V

v 2ou 0.19 V (3.44)
M N Co(W/L) '

Thus, the minimum output voltage is determined tobe 2 X 0.19+ 0.8 = 1.18 V.

Wilson Current Mirror

Another commonly used current mirror is the Wilson current mirror, shown in
Fig. 3.15.3 It is an example of using shunt-series feedback to increase the output imped-
ance [Sedra, 1991]. Basically, Q, senses the output current and then mirrors it to Ip,,
which, in turn, is subtracted from the input current, [;,. Note that I, must precisely
equal I;,; otherwise the voltage at the gate of Q,, Q, would either increase or decrease,
and the negative feedback loop forces this equality. This feedback arrangement
increases the output impedance by an amount equal to 1 plus the loop gain. Assuming
all devices are matched, the output impedance without the feedback due to Q,, Q,
would be 2ry,, taking into account that Q, has source degeneration equal to /g,
(i.e., the small-signal impedance of diode-connected Q5), which is responsible for the
2 factor. The loop gain is approximately given by™
Fasy Il T;

A = O d;] in) (3.45)
where I, is the input impedance of the biasing current source I;,,. The factor of 1/2
is due to the voltage attenuation from the gate of Q, to its source, caused by the
source degeneration of the diode-connected Q,. Assuming r;, is approximately equal

T Low
g
Q, I—‘L| Q,

Q I Q.

= = Fig. 3.15 The Wilson current mirror.

3. Actually, this is a modified Wilson current mirror, where Q, has been added to make the drain-source
voltages of Q, and Q. approximately equal, which improves the absclute matching of Ij,, and I,,,.
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10 Iys 1, then the loop gain is given by

r
A, = Imlds! (3.46)
4
and the output impedance is therefore given by
Fas) Il T Ten1 "
Mout = 2rds4g—ml( dzl i = 054[ mlzdm] (3.47)

which is roughly one-half the output impedance for that of a cascode current mirror.
For this reason, the cascode current mirror is often preferred over the Wilson current
mirror. In terms of output voltage swing, the minimum allowed voltage across the
current mirror, before Q enters the triode region, is 2V + V,,, which is similar to
that of the cascode current mirror.

Finally, it should be noted that Q, is not required in the Wilson current mirror. It
has been included to give Q, and Q, the same drain-source bias voltages, and thus
minimizes inaccuracies caused by the large-signal output impedances of the transis-
tors. Without this transistor, the output current would be slightly smaller than the
input current because Vg, would be larger than Vg,. However, the small-signal
output impedance would remain the same.

3.7 CASCODE GAIN STAGE

In modern IC design, a commonly used conﬁguration for a single-stage amplifier is a
cascode configuration. This configuration consists of a common-source-connected
transistor feeding into a common-gate-connected transistor. Two examples of cascode
amplifiers are shown in Fig. 3.16. The configuration in Fig. 3.16(a) has both an n-
channel common-source transistor, (;, and an N-channel common-gate cascode tran-
sistor, Q,. This configuration is sometimes called a telescopic-cascode amplifier. The
configuration shown in Fig. 3.16(b) has an n-channel input (or drive) transistor, but a
p-channel transistor is used for the cascode (or common-gate) transistor. This config-
uration is usually called a folded-cascode stage. It allows the dc level of the output
signal to be the same as the dc level of the input signal. Unfortunately, it is usuatly
slower than the telescopic-cascode amplifier because although parasitic capacitances
at the source of the cascode transistor are similar in both cases, the impedance levels
of the folded-cascode stage are roughly three times larger due to the smaller transcon-
ductance of p-channel transistors as compared to N-channel transistors.

There are two major reasons for the popularity of cascode stages. The first is that
they can have quite large gain for a single stage due to the large impedances at the
output. To enable this high gain, the current sources connected to the output nodes are
realized using high-quality cascode current mirrors, Normally this high gain is
obtained without any degradation in speed, and sometimes with an improvement in
speed. The second major reason for the use of cascode stages is that they limit the
voltage across the input drive transistor. This minimizes any short-channel effects,

153 of 720




3.7 Cascode Gain Stage 141

(a)

Fig. 3.16 [a) A telescopiccascode omplifier and {b} a folded-cascode amplifier.

which becomes more important with modern technologies having very short channel-
length transistors.

The analysis of the cascode gain stage is based on the telescopic stage of
Fig. 3.16(a). The same analysis, with only minor modifications, also applies for the
folded-cascode stage of Fig. 3.16(b).

From the section on cascode current mirrors, we know that the impedance look-
ing into the drain of cascode transistor Q, is approximately given by

Tda = Omalas:las2 (3.48)

The total impedance at the output node is ry, in parallel with R, where R is the
output impedance of the bias current source, ly,;,s. Assuming I, is a high-quality
source with an output impedance on the order of

Rl = Ompldsop (3.49
then the total impedance at the output node 1s
r

Rou = g—’"zés (3.50)

Wehave dropped the indices here under the assumption that the transistors are somewhat
matched, and to simplify matters since we are only deriving an approximate solution.

To find the approximate low-frequency gain, we can use part of the analysis done
previously for the common-gate stage. Repeating Eq. (3.20) here for convenience, we
found that the low-frequency impedance looking into the source of the common-gate,
or cascode, transistor, Q,, was given by

Y, = Om2 + 9:2 + 9ags0 - 9m2 (3.51)
gdsz gdsz
1+ 1+
G_ G_
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Note that the indices are changed to reflect the fact that Q, is the common-gate tran-
sistor rather than Q. Substituting (3.49) into (3.51), and again assuming all elements
are somewhat matched so that the indices can be dropped, we have

g
Yiny & ———— = gy (3.52)
1 gds
3
gds/gm
The gain from the input to the source of Q, is therefore given by
\
Yo _ __Om . Om (3.53)
Vin Gast + Yinz 2945
The overall gain can then be found using (3.18) and (3.53). We have
Ay = Vs2Vout = 9m _ 9m = _ 9m 9m2 = _1(9_"“)2 (3.54)
Vin Vs2 20945 Gy + Gas2 294594s2 21945

The reader should be cautioned that (3.54) is only approximate, primarily due to
the difficulty of accurately determining the output admittance, gy, for the different
transistors. For example, one problem in estimating gy, is that it is voltage depen-
dent. Therefore, prudent designers should never construct a design for which success-
ful operation requires knowing the gain precisely, rather than just knowing that it will
be greater than some minimum value.

EXAMPLE 3.6

Assuming g,, is on the order of 0.5 mA/V and ryg is on the order of 100 kQ,
what is the gain of the cascode amplifier?

Solution
Using (3.54), we have Ay = —1,250. This is a fairly representative number.

3.8 MOS DIFFERENTIAL PAIR AND GAIN STAGE

Most integrated amplifiers have a differential input. To realize this differential input,
almost all amplifiers use what is commonly called a differential transistor pair. A differ-
ential pair together with a biasing current source is shown in Fig. 3.17. A low-frequency,
small-signal model of the differential pair is shown in Fig. 3.18. This small-signal
equivalent circuit is based on the T model for a MOS transistor that was described in
Chapter 1. To simplify the analysis, we ignore the output impedance of the transistors
temporarily. Defining the differential input voltage as v;, = v’ -V, we have

Vin Vin (3.55)

igp = iy = =
° r51+r52 1/Qm1+1/9m2
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I|:>1¢ : | ¢Igz

v o—| oV
01 02
Ibias

Fig. 3.17 A MOS differential pair.

Fig. 3.18 The smallsignal model of @ MOS
differential pair.

Since both Q, and Q, have the same bias currents, g,,;, = Qm». Therefore, we find

iy = LU (3.56)
2
Also, since iy, = ig; = —ig;, we find that
2
Finally, defining a differential output current, i, = iy, — iy, then the following rela-
tionship is obtained:
fout = 9miVin (3.58)

Thus, if a differential pair has a current mirror as an active load, a complete
differential-input, single-ended-output gain stage can be realized, as shown in
Fig. 3.19. This circuit is the typical first gain stage of a classical two-stage inte-
grated opamp in which the input differential pair is realized using n-channe! transis-
tors and the active current-mirror load is realized using p-channel transistors. From
the small-signal analysis of the differential pair, we have

lgy = g = g%vin (3.59)

Also, ignoring transistor output impedances, we have
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Fig. 3.19 A differential-input, single-ended-output
MOS gain stage.

Note that a positive small-signal current is defined as the current going into the drain
of a transistor. Using (3.60) and the fact that iy, = -ig,, we have

Vout = (_idz_idcl)rout = 2isirout = Om1ToutYin (3.61)

This result assumes that the output impedance is purely resistive. If there is also a
capacitive load, C/, then the gain is given by
v
A= 22 = GniZow (3.62)
n

where Z,,, = oy I 1/(SC_). Thus, for this differential stage, the very simple model
shown in Fig. 3.20 is commonly used. This model implicitly assumes that the time
constant at the output node is much larger than the time constant due to the parasitic
capacitance at the node at the sources of Q, and Q,. This assumption is usually justi-
fied, because the impedance at the output node, g, is much larger than the imped-
ance at the Q,, Q, source node (i.e., 1/¢m, || 179, )- Also, the capacitance at the
output node, C,, is usually larger than the parasitic capacitance at the Q,, Q, source
node. However, when high-frequency effects are important (which may be the case
when compensating an opamp to guaraniee stability), then this assumption may not be
justified. '

The evaluation of the output resistance, f,, 4, is determined by using the small-signat
equivalent circuit and applying a voltage to the output node, as seen in Fig. 3.21. Note
that the T model was used for both Q, and Q,, whereas Q, was replaced by an equiv-
alent resistance (since it is diode-connected), and the hybrid-T model was used for Q.

+ O— . 4 ‘I O Vout
Vin 9m1Vin

Mout CL
— ] |

Zout

Fig. 3.20 A smallsignal model for the differentialinput amplifier.
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Fig. 3.21 The smallsignal model for the calculation of the output
impedance of the differential-input, single-ended-output MOS gain
stage.

As usuval, ry, is defined as the ratio v,/i,, where i, is given by the sum i, =
ig + gz + iy + iyq. Clearly,

. Vg

Iy = — (3.63)

Tdsa
implying that the resistance seen in the path taken by iy, is equal tory.,. Now, assum-
ing that the effect of ryg, can be ignored (since it s much larger than r,}, we see that
the current i, is given by
v v

_r = (3.64)
Fas2 + (Fey 1 7s2)  Tueo
where the second approximation is valid, since ry., is typically much greater than
rsy |l s, This iy, current splits equally between ig, and i, (assuming rg, = rg, and
once again ignoring ryg;), resulting in

IX2 =

. . gvx
Is;) = ls; = 1 (3.65)
ds2

However, since the current mirror realized by Q, and Q, results in i,y = iys
(assuming g, = 1/Tgy = 1/rg; and rge; 1s much larger than rg; ), the current iy,
is given by

e = —dgp = gy = —ly3 (3.66)
In other words, when the current splits equally between rg, and r,, the current mirror

of Q, and Q, causes the two currents i,; and i,, to cancel each other. Finally, the
output resistance, g, is given by

Vx Vy

r (3.67)

out — - - — =
o+t (Vx/rdsd) + (Vx/rdsz)
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which results in the simple relationship

Fout = Fas2 Il Fass (3.68)
Therefore, at low frequencies the gain, A,, is given by
A, = 9milles: Il Tgsa) (3.69)
EXAMPLE 3.7
Consider the gain stage shown in Fig. 3.19, where I, = 200 pA and all tran-
sistors have W/L = (100 pm)/(1.6 pm). Given that u,C,, = 92 HA/V,
Vi = 0.8V, and ry, = [8,000L (um)]/[Ip (mA)], find the output imped-
ance, I, and the gain from the differential input to the output, V.
Solution

To find the bias currents, we assume that I,;,. splits evenly between the two
sides of the differential circuit, resulting in

Iy, = Ip; = Ip; = Ipy = 100 pA (3.70)
Therefore, the transconductance of the input transistors is equal to
1 = Gmz = 2HnCox(W/ L) (1pias/2) = 1.07 mA/V (3.71)
The output impedance of Q, and Q, is given by
Faer = Fges = ﬁ%l'—s = 128 kQ (3.72)

Thus, the gain for this stage is

Vou
AV = 'V— = gml(rdsz ” rd54) = 68 5 V/V (3.73)

3.9 BIPOLAR CURRENT MIRRORS

The most popular bipolar current mirrors are very similar to the MOS current mirrors.
A simple bipolar current mirror is shown in Fig. 3.22. This current mirror has an out-

Iin I lIOUl
|

Q, Q,

= = Fig. 3.22 A simple bipolar current mirror.
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put current almost equal to its input current. In fact, its output current is slightly
smaller than the input current, due to the finite base currents of Q, and Q,. Taking
these two base currents into account results in

1

= —1 3.
Tout (1+2/ﬁ)1|n (3.74)

where [ is the transistor current gain. For large B, this relation is approximately given
by Ioy = (1 -2/B)L,.

In one commonly used modification of the simple bipolar current mirror, an
emitter-follower buffer, Q,, is added to supply the base currents, as shown in
Fig. 3.23. This additional transistor minimizes the errors due to finite base currents,
resulting in I, = [;,(1 - 2/[32). Such an arrangement is almost always used for cur-
rent mirrors when lateral transistors* are used because of their low current gains (i.e.,
@’s on the order of only 10-20). The output impedance of both of the previous current
sources is equal to the output impedance of Q,, which is r,.

In another often-used variation of the simple current mirror, emitter degenera-
tion is added. This approach results in larger output impedances and also mini-
mizes errors caused by mismatches between Q; and Q,. An example of this
current mirror is shown in Fig. 3.24. In an analysis similar to that given for the
MOS current mirror with source degeneration, the output impedance is now found
to be given by

Fout = fo2(1 + Gm2R,) (3.75)

-

Fig. 3.23 A current mirror with fewer inaccuracies caused by
= = finite base currents.

Fig. 3.24 A current mirror with emitter degeneration.

4. In many bipolar processes, pnp transistors are only available as lateral devices.
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for R, << r,. Normally, this current mirror is designed so that the bias voltage across
R.. defined to be Vg, is about 0.25 V. This implies that R, is given by

\' Vv
= — = e (3.76)
Iez Ic?.
Using the relationship g, = L.,/ Vy, where Vi = kT/q = 26 mV at 300 °K,
gives
_ Vre) _
rout = roz(l + gmzﬁe) = ro:)_ 1 + V_ = 11[‘02 (3.77)

T

assuming Vg, = 0.25 V. It should be mentioned here that the addition of these R,
resistors also minimizes the noise output current of this current mirror, generated by
the base resistance thermal noise, which is often the major source of noise in bipolar
wideband circuits.

To achieve still higher output impedances, one can use either a cascode or a Wil-
son current mirror, as shown in Fig. 3.25. The Wilson current mirror is preferred in
bipolar realizations because the cascode mirror exhibits large errors, due to the fact
that the base currents of all of the transistors are supplied by I, only. As a result, the
output current is smailer than the input current by a factor roughly equal to 1 — 4/.
For the Wilson current mirror, the base currents of Q, and Q, are supplied by I,
whereas the base currents of Q; and Q, come from I ;.. It can be shown that the errors
due to finite base currents are on the order of 2/ B2 [Gray, 1993]. 1t can also be shown
that both of these current mirrors have an output.mpedance on the order of [Gray,
1993]

lout = % (3.78)

out =
2

This concludes the review of commonly used current mirrors. Chapter 6 describes
some improved MOS current mirrors that have become popular recently.

Iin l l Iom Iin l l In:>ut
! I

(a) (D)
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3.10 BIPOLAR GAIN STAGES

In this section, we look at two bipolar circuits—emitter followers and differential
pairs. Although much of the small-signal analyses follow those of their MOS counter-
parts very closely, one difference is the finite base impedance of bipolar transistors.
Here we shall see some simple rules for dealing with this finite base impedance dur-
ing small-signal analysis. Because of its importance in translinear circuits, we also
look at the large-signal behavior of the differential pair.

Emitter Follower

A bipolar emitter-follower 1s very similar to a MOS source follower, except that its
input impedance 1s not infinite and its gain is normally much closer to unity. The anal-
ysis of its low-frequency response provides a good illustration of the use of the bipo-
lar T model, and also of some relatively general principles for coming up with quick
estimates of input and output impedances of bipolar circuits.

A bipolar emitter follower with a resistive load is shown in Fig. 3.26. Its small-
signal model at low frequencies, where the bipolar T model has been used, is shown
in Fig. 3.27(a). In this small-signal model, the device base resistance r, has been
ignored, since it can be easily taken into account after the fact by simply making Rg
slightly larger (i.e., equal to Rg + 1, ). Notice that Rg and r, are in parallel. This
allows a slightly simplified small-signal model to be analyzed, as shown in
Fig. 3.27(b), where Rg = Rg |l r,. The analysis of the gain of this circuit is done in
two steps. First, the input impedance looking intd the base of the transistor, Ry, is
found, allowing us to calculate the gain from the input to the base. Second, the gain
from the base to the output is found, which allows us to derive the overall gain. The
current in the emitter, i, is given by

g = ip(B+1) (3.79)
Therefore,
Vp = ig(re + RE) = iy(B+ 1){re + RE) (3.80)
This gives
Vo
Re = E = (B+1)r,+ RE) (3.81)
Rs Veo
Vin
Vout
Re

= Fig. 3.26 A bipolar emitter follower.
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—O Vout

= (a) b =

Fig. 3.27 (a) The smallsignal mode! for the bipolar emitter follower and (b} a simplified
model.

Aliemnatively, noting that

o

B+ Dr, = ([3+1)g = (ﬁ+1)w = E

=T, (3.82)
m m gm
gives

B, =rn+PB+1R: (3.83)
Equations (3.81) and (3.83) illustrate a principle that is generally applicable for bipo-
lar circuits: Ar low frequencies, resistances in series with the emitter appear B+ 1
times larger when seen looking into the base or, equivalently, when they are reflected
into the base. Continuing, using the resistor-divider formula, we now have

Vp Ry (B+ 1)ro+ RE)

Vo _ - : (3.84)
Viin Rp+Rs (B+1D)(re+ RE)+Rg

The gain from the base to the emitter, which is the output, is easily found from
Fig. 3.26(b), again using the resistor-divider formula, to be given by

v R R:
VL:l - H'E:re = R’E+1E/gm (83
Using (3.84) and (3.85), the ovefall gain is now given by
Vour _ VoVour _ [ (B+1)(re + Rg) )( Re ) (3.86)
Vin Vin Vb (B+ 1)(rs + R’E)"" HS Rii'*' I/gm

With a little practice, transfer functions such as that given by (3.86) can be written by
simply inspecting the actual circuit, without actually analyzing the small-signal modet.

It is also interesting to find the output impedance of the emitter follower at low
frequencies excluding Rg, which is equal to the impedance seen looking into the
emitter. The small-signal model for this analysis is shown in Fig. 3.28, where the
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Fig. 3.28 The smallsignal model for finding the output

impedance of an emitter follower.

input source has been set to 0 and the impedance R, = v,/i, is to be found. First

note that
i —i
ip = —— = — (3.87)
B+1 p+1
since iy, = —i,. Therefore, we have
V., = Vg t+i, T,
= —i,Rg +1i,r
b8 x'e (388)
. Rs .
= Ixm + 1, Mg
This gives the impedance seen looking into the erpitter as
Y R R T
R, = = S -2 T (3.89)

= — 47

i, PB+1 ° B+l PB+1
This is an example of a general principle for bipolar circuits: Resistances in series
with the base are divided by B+ 1 when they are seen looking into the emitter, or,

equivalently, are reflected to the emitter. The total output impedance of the emitter-
follower is now simply R, in parallel with Rg.

Bipolar Differential Pair—Large-Signal

A bipolar differential pair is shown in Fig. 3.29. This circuit’s large-signal behavior
can be analyzed by first recalling the exponential relationship for a bipolar transistor,

Fig. 3.29 A bipolar differential pair.
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I = Ige'* ' (3.90)
which can be used to find the base-emitter voltages

Ig)

Vee, = Viin| — (3.91)
Is)
I,

VBE2 = VTln _ (392)
ls,

Now, writing an equation for the sum of voltages around the loop of input and base-
emitter voltages, we have

V' - Vgg, +Vge, -V =0 (3.93)
Combining (3.91), (3.92), and (3.93), and assuming Ig, = Ig,, we can write
? - e(V+_V’ 1V _ eVm/\."T (3.94)
c2

where V4 is defined as the difference between V' and V™. In addition, we can write
(IIEE = ICl +ICZ (3.95)

where a is defined to be B/ (P + 1) and is due to some currents flowing through the
base terminals. Finally, combining (3.94) and (3.95), we have

al -
gy = ———— (3.96)
1+e id T
olge
Iy = —or (3.97)
1+e id T

A plot of these two currents with respect to V4 is shown in Fig. 3.30, where we note
that the currents are split equally at V,y = 0 and saturate near Igg or O for differen-
tial input voltages approaching 4 V; (around 100 mV). Note that the relations shown

Iei, Iee
F 3

| olge

-4 -2 0 2 4 > Via/Vr

Fig. 3.30 Collector currents for a bipolar differential pair,
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in (3.96) and (3.97) are hyperbolic tangent functions, and thus this current—voltage
relationship for a bipolar differential is commeonly referred to as the tanh relationship.

Bipolar Differential Pair—Small-Signal

The small-signal model for the bipolar differential pair of Fig.3.29 is shown in
Fig. 3.31. Once again, defining v,y = v*—v-, we have

et +Tez  (0/Qm ) +{0/Gmz)

In the case where both transistors have the same bias currents through them (i.e., the
nominal differential voltage is 0, resulting in g,,, = 9,; ), we find the same result as
for a MOS differential pair,

ley = Qg =

(3.98)

i g
iy, = %‘vw (3.99)

A similar result holds for i, .

Finally, the input impedance of this differential pair can be found using the impedance-
scaling rule just discussed. Specifically, consider the small-signal model shown in
Fig. 3.32, where v~ is grounded and we wish to find the impedance r;4 looking into the
base of Q,. The impedance, r,, seen looking into the emitter of Q, is simply r,,,

-

I I

igy = gy lgz = Qlga
v' v
Me ¢iel iea¢ Ta2
—>
vy’
Fig. 3.31 The smallsignal model of o
Fg1+ Teo

bipolar differential pair.

> Fig. 3.32 Finding the input impedance of a bipolar

ra differential pair.
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since the base is grounded. Thus, the total emitter resistance to the ground of Q, is
Fe, + ley, and using the impedance reflection rule, the impedance, rg, seen looking
into the base of Q, is equal to B + 1 times the emitter resistance, or, equivalently,

g = (B4 1)(re; +Tgy) (3.100)

3.11 FREQUENCY RESPONSE

In this section, we look at the frequency response of many of the previous circuits.
Although the precise calculation of frequency responses is most often left to computer
simulations, there is much insight that can be obtained by finding the dominant fre-
quency effects in integrated circuits.

Common-Source Amplifier

A small-signal equivalent circuit for high-frequency analysis of the common-source
amplifier of Fig. 3.4 is shown in Fig. 3.33. Here, Cq, is the gate-to-source capaci-
tance of Q,, whereas Cgq, is the gate-to-drain capacitance of Q. Note that we have
assumed that the output capacitance of the input source can be ignored. The capaci-
tance C, is made up of the parallel connection of the drain-to-bulk capacitances of
Q, and Q, together with the load capacitance, C, . Usually, C| dominates.

To analyze the circuit at high frequencies, one can use nodal analysis. At node v,
we add all of the currents leaving the node and sét the sum equal to zero, to obtain

Vi (Gin + 8Cgq +5Cgq)) = VinGin — Vout8Cgqy = 0 (3.101)
where G;, = 1/R;,. Also, at the output node, we have
VoulGa +8Cgq, +8C,) - v8Cgq; + gmyv, = 0 (3.102)

where V, = Vg,
Solving (3.101) and (3.102) (somewhat tediously), we have

C
_gmle(l - Sgidl)

Vout _ ml (3 103)
Vi, 1+sa+s?b )
Rin Vy ng1
NN— ' I I : —O Vout
+ C
Vin Vgsi ost Om1Vgs1 Rg é Cz
L -4 :_[

Fig. 3.33 A smallsignal model for high-frequency analysis of the common-source amplifier.
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where
a = Rip[Cqq; + Cggi(1 + GmiRDI+ Ra(Cyy; + Cy) (3.104)
and
b = RiyR1(CgqiCqs1 + Cgs C: + Cyq, Cy) (3.105)

At frequencies where the gain has started to decrease but is still much greater than
unity, the first-order term in the numerator, —8(Cgq,/gm;). and the second-order
term in the denominator, $%b, can be ignored. For this case, we have

\ -9, R
As) = =2 = Im: 7 (3.106)
Vin L+ 8{Ris[Cge1 + Cgg 1 (1 + 9 R + R.(Cya + Co)}
The low-frequency gain is as expected, —g,,| R, . Also, setting 8 = jo_; 45 and solv-
ing for

. 1
|A(jw 3 4p)| = — (3.107)

2

gives

1
w_ = (3.108)
a8 Rin[cgsl+cgdl(1 +gm1R3)I+R2(ng1+Cz)

As an aside, it is of interest to note that the result for the —3-dB freguency is the
same result that one would obtain if the zero-value time-constant analysis technique
were used [Gray, 1993]. In this technique, one Calculates a time constant for each
capacitor by assuming all other capacitors are zero, replacing the capacitor in ques-
tion with a voltage source, and then calculating the resistance seen by that capacitor
by taking the ratio of the voltage source to the current flowing from the voltage
source. The time constant seen by the capacitor is then simply the capacitor multi-
plied by the resistance seen by that capacitor. The —3-dB frequency for the complete
circuit is then 1 divided by the sum of the individual capacitor time constants. For the
common-source amplifier, the resistance seen by Cgsl is the input source impedance
Rin, the resistance seen by Cgq, is Rjp(1+ gy R,) + Ry, and the resistance seen by
C,is R,.

Often, unless R;, << R,, the first term in the denominator of (3.108) dominates,
and we have

1
o = (3.109)
to I:{in[c’gsl +ng1(1 +A)]

where A = g,,;R, is the magnitude of the low-frequency gain. The term
Cyqa1( 1 + A) s often called the Miller capacitance because it is the equivalent capaci-
tance obtained when one uses the Miller approximation [Sedra, 1991]. Because the
size of Cggq, is effectively multiplied by one plus the gain of the amplifier, Cgq) must

be small.
At higher frequencies, when the gain is not much greater than unity, the second
pole and the zero should be considered. The frequency for the second pole can be
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found by assuming that the poles are real and widely separated and that the denomina-
tor can therefore be expressed as

2
D(s):(1+-8—j(1+i);1+i+ S (3.110)
Wy ®p; Wp)  Wp Wy
The coefficients of (3.110) can then be equated to the coefficients of the denominator
of (3.103). This analysis is almost identical to that used later in Section 5.2 for analyz-
ing the two-stage amplifier for its frequency response, so it will not be given here.
However, the equation for the approximate frequency of the second pole of the
denominator is simply given as

- gmlcgdl
P2 = CgSngdl + Cgslc?. + ng1C:z

It shoutd be mentioned that the Miller approximation results in a very different and
incorrect approximation for the frequency of the second pole.

(1}

3.111)

EXAMPLE 3.8
Use the same parameters as in Example 3.2 along with the following: R;, =
180 kQ, C_ = 0.3 pF, Cyq, = 0.2 pF, Cyq; = 0.015 pF, Ggp, = 20 fF, and
Cqp; = 36 fF. Estimate the —3-dB frequency of the common-source amplifier
in Fig. 3.4.
Solution
We have
R, = rge; I rgsy = 77 kQ (3.112)
and
Cz = CL + Cdbl + Cde = 0.36 pF (3.113)

The time constant due to Ry, namely, R;,{Cgs) + Cgqi(1 +A)], is now equal
to 0.26 ps. The time constant due to R,, namely, R,(Cgqy +Cy), is equal to
0.03 us. The —3-dB frequency (in hertz) is equal to

1 -
fagp = [E?J[Rin[cgsl +Cgg (1 + ImiR2D1 + Rz(Cgm +Cy)] ]
= 550 kHz

(3.114)

Source-Follower Amplifier

Before proceeding, it should be stated that the high-frequency analysis of source-
follower amplifiers is somewhat involved. We will show that these types of amplifi-
ers can have complex poles, and thus a designer should be careful that the circuit
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does not exhibit too much overshoot and ringing. We also show a compensation
circuit that results in only real axis poles and therefore no overshoot and ringing.
However, because the materiat is complex, we suggest that only advanced readers
cover this subsection in detail.

The frequency response of the source follower can be found by modelling the
source as a Norton equivalent circuit and adding a load capacitance, as Fig. 3.34
shows. The small-signal model used for this circuit, which includes the parasitic
capacitances, is shown in Fig. 3.35. Capacitor C, includes both the load capacitor,
C,. and the parasitic capacitor, Cgy,,. Similar to what was done at low frequencies,
Fasis Mgs2> and the voltage-controlled current source modelling the body-effect current
source can be modelled by a single resistor. This model allows us to analyze the sim-
plified small-signal model shown in Fig. 3.36, where again Ry; =rgq | rgs2(/( 1)/gs,
and the input capacitance is given by Ci, = C;j + Cgq).

Nodal analysis is possible, but it is very complicated for this example. The analy-
sis proceeds in four steps. First, the gain from vy, to v, is found. Second, the admit-
tance, Yy, looking into the gate of Q;, but not taking into account Cyy,, is found.
Third, the gain from i, to Vg, is found. Finally, the overall gain from v;; to Vo is
found and the results are interpreted.

At node v, we set the sum of the currents that leave the node to zero, so we
have

Vou(8Cs + $Cgq; + Gy}~ Vg,8Cga1 —~ Gy (Vgs — Vou) = 0 (3.115)

Fig. 3.34 The configuration used to analyze the frequency
response of the source follower.

.||-

O Vout

i C -Vgs1 I'ds1
Fiin gs1 Om1Vgs1 Gs1Vs1

U ds2

I—F—+—wW—t &

Fig. 3.35 An equivalent smoll-signal model for the source follower.
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Fig. 3.36 A simplified equivalent smalksignal mode! for the source follower.

Solving for v,/ Vg, we have
Vour - SCasi + O (3.116)
Vg] S(Cgsl+cs)+gml+Gsl

The next step is to calculate the admittance, Y, looking into the gate of Q,, but not
taking into account the current entering Cgq,. The input current is given by

igl = (Vgl _Vou:)scgsl 3.117)
Using (3.116) to eliminate V,,, in (3.117), and solving for Y, = iy;/Vg,;, we have

g1 8Cg51(sCs +Gg))

= 2 = (3.118)
’ Vai  8(Cgs1 +C) +9m + Gy
We can write an equation relating the input current, i, , to the gate voltage, Vg, as
Substituting (3.118) into (3.119) and rearranging gives
E_l - S(Cgsl +Cs)+gml +Gsl (3120)
iin a+sb+s’c

where
a = Gin(gm + Gey)
b = Gin(Cys; +Cg) +Cln (O +Gyg,) + G5, Gy, (3.121)
€ = Cge|Cs + Ci (Cysy + Cy)
Using (3.116) and (3.120), we then have
$Cgs1 + Om1

Vout
A(s) = — = ———— (3.122)
fin a+sb+sikc

Thus, we see that the transfer function is second order. Specifically, it has two poles
(roots of the denominator) that may be either reat or complex conjugate. If they are
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complex conjugate, then the step response of the circuit will exhibit overshoot and pos-
sibly ringing. This potential problem is a disadvantage when using source followers,

To determine if the transfer function will exhibit ringing, (3.122) can be written
in the form

A(s) = A(0) (3.123)

52

l+—+—

®0,Q o3

where @, and Q can be found by equating the coefficients of (3.123) to the coeffi-
cients of (3.122). Here, parameter oy is cailed the pole frequency and parameter Q is
called the Q factor® [Sedra, 1991]. It is well known that if Q < J/1/2 = 0.707, then
the magnitude of the transfer function has its maximum at dc and no peaking will
occur (assuming the zero is at a very high frequency and therefore has negligible
effect). Furthermore, for Q = ./1/2, the ~3-dB frequency is equal to w,. When the
time-domain response is investigated, restrictions on the Q factor can also be found to
guarantee no peaking for a step input. Specifically, to have no peaking in the step
response, both poles must be real; this is equivalent to the requirement that Q < 0.5,
In the case where Q> 0.5, the percentage overshoot of the output voltage can be
shown to be given by

% overshoot = 100e™ 4% ! (3.124)
For the source follower, equating the coefficients of (3.123) to the coefficients of
(3.122) and solving for w, and Q results in ~
Gin(gm +G
) = J n(d ’1 s1) (3.125)
Cgslcs + Cin(Cgsl + Cs)
Q = '\/Gin(gml + Gsl)[cgslcs + C’in(Cgsl + Cs)] (3.126)

GinCs + Cf (g1 + Gg ) + Cys1Gs;

If Q is greater than 0.5, the poles will be complex conjugate, and the circuit will
exhibit overshoot. Although this Q equation is rather complex, note that if C, C},,
or both become large (i.c., if the load, the input capacitor, or both become large), then
Q becomes small, and no overshoot will occur (aithough the circuit will be slow).
And when C{; and G, become small (G, becomes small when the transistor’s
source is connected to the substrate, which eliminates the body effect), then the circuit
will have a large Q (i.e., large ringing) when G;, becomes small and C, = Cyy,. In
summary, source follower (and emitter follower) circuits can exhibit large amounts of
overshoot and ringing under certain conditions. Fortunately, the parasitic capaci-
tances and output impedances in practical microcircuits typically result in only mod-
erate overshoot for worst-case conditions.

5. The Q factor is 1/2 times the inverse of the damping factor. The damping factor is an alternative method
of indicating the pole locations in second-order transfer functions.
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Finally, note also that the numerator zero of the transfer function lies on the nega-
tive real axis at a frequency given by

_ —9m
Cgs]

and is typically at a much higher frequency than ®,.

0, (3.127)

EXAMPLE 3.9

Use the parameters in Example 3.3 and assume that R, = 180 kQ, C, =
10 pF. Cyq, = 0.2 pF, Cyqy = 15 fF, Cy,; = 40 {F, and G, = 30 {F. Find
©, Q. and the frequency of the zero for the source follower in Fig. 3.34.

Solution

From Example 3.3, we have g, = 1.06 mA/V, 1y, = 128 kQ, 1y, =
128 k@, and g, = 0.16 mA/V. Thus, we have

C’in = Cil‘I+ngl = 45 fF (3.[28)
Gy = Gy + Gger + Jusz = 0.176 MA/V (3.129)
C, = C_+Cy, = 10.04 pF (3.130)

and so we can find ®, as

O = J Gin(gml + G;l)
’ Cgles"'C’in(Cgsl +Cs)

= 5.24% 10" rad/s = 2mx 8.34 MHz (3.131)
Q- JGin(Gmi + G M Cys  C + C7(Cysy + Cy)
GinCs + Cfy (9m) + Gg)) + Cys, Gy, (3.132)

= 08
This results in an overshoot for a step input given by
2
% overshoot = 1006 %% ' = 8% (3.133)

The zero frequency is found using (3.127) to be 844 MHz, and thus it can
almost certainly be ignored.

A bipolar-transistor emitter follower is very similar to a CMOS source foliower,
and therefore its high-frequency analysis is not included here. However, note that the
problem of complex-conjugate poles can be more severe for bipolar emitter followers.

For both CMOS source followers and bipolar emitter followers, when complex-
conjugate poles occur, they can be eliminated by adding a compensation network. To
see this, note that (3.118) can be rewritten as

173 of 720




3.11  Frequency Response 161

Yg = 80yt e (3.134)
-R, - S_Q
where
_ Cgsl(ngml _Cgslel) - gmngslcs
] (Gm1 + Gg1)(Cgqy + Cs) B (Om1 + Gg1)(Cgey + Cy)
| = (Cgsl + 05)2 = (Cgs[ + 05)2 (3135)
Cqs1(CsOm1 — Cgs1Gs1) Cgs1CsOm1
C, = M
Cqs1 +Cs

and the approximations result from the fact that typically C,> Cyq and g > G
This is the same admittance as the circuit shown in Fig. 3.37. Thus, the input admit-
tance is the same as a capacitor in parallel with a series combination of a negative
capacitor and a negative resistor. If a third network consisting of a capacitor of size
C, and a resistor of size R, in series, is connected to the gate of the source follower,
as shown in Fig. 3.38, then the negative e¢lements are cancelled. The resulting input
admittance is then simply C,, as given in (3.135). In this case, (3.120) becomes

v
i_g[ = L c G (3.136)
LY s,(c:'i g1 s j
AT Y C e 7 C.
and (3.122) becomes
Cqs
v (1 +5— 1)
As) = X = Rin( g’“‘G ) Imi (3.137)
lin gml"' 51 (1 +i)(1 +i)
P, P
where
Gin Gin
p, = = — (3.138)
' o, SemC T G+ Gy
" Cge +CyL

Fig. 3.37 A circuit that has the same admittance as the input
impedance locking into the gate of a source follower {and
ignoring Cyq).
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® ]
1

o L
Iin

i
R, CinI

- - - Ibias

Fig. 3.38 Addition of a compensation network {C, and Ry} to
compensate for the negative components of the admittance looking
into the gote of the source follower.

b, = Gm1 + G, ng1+Gsl
T Cg+CL C

The approximation is accurate when G, >> C. Regardless of the approximation,
the poles are now guaranteed real, and no overshoot will occur.

Therefore, when designing source followers (or emitter followers), the recom-
mended procedure is to check to see if the poles are complex by using either (3.126)
or a SPICE transient analysis to look for overshoot. When the poles are complex, then
increase either C,,. C,, or both, or, alternatively, add the compensation network, as
shown Fig. 3.38.

(3.139)

EXAMPLE 3.10

Using the same parameters as in Example 3.9, find the compensation network
and the resulting first and second poles of the source follower in Fig. 3.34.

Solution
Using (3.135), we have
9miCqs1Cs
= = 0.170 pF (3.140)
"= (G + G} (Cyey + Co) d
and :
C C.)?
.= Cas1 +E)° 493 k0 (3.141)
Cys1CsOmi

The capacitor is a reasonable value to be realized on chip. The resistor can be
realized by a MOS transistor biased in the triode (i.e., linear) region. Assuming
the compensation network is used, the poles of the transfer function then
become

Gin
Cgsl + C’m

P, = 2nx 3.6]1 MHz (3.142)

175 of 720




3.11  Frequency Response 163

and

+G
, = ImiT Bl o 19.3 MHz (3.143)
Cgs +C
The speed penalty paid for using the compensation network is quite high,
because the pole frequency without compensation was around 8 MHz whereas
here the dominant pole is at 3.6 MHz.

Finally, it should be mentioned that if the source-follower buffer is intended to be
used in an opamp (and thus feedback will be placed around the buffer), and if the res-
onant frequency of the source follower is substantially greater than the unity-gain fre-
quency of the amplifier, then the overshoot can be tolerated, and no compensation
network 1s necessary.

Common-Gate Amplifier

The frequency response of the common-gate stage is usually superior to that of the
common-source stage due to the low impedance, r;,, at the source node, assuming G,
is not considerably smaller than g, ;. Analysis of the frequency response of the com-
mon-gate stage 1s left as an exercise for the reader.

-

High-Output Impedance Mirrors

Both the Wilson and the cascode current mirrors introduce high-frequency poles into
the signal transfer function. The approximately equivalent time constant of these poles
is Cye/Qm The proof of this statement can been found by doing a high-frequency,
small-signal analysis (where the capacitances of the small-signal models are included
in the analysis). This analysis is left as an exercise for the reader.

Cascode Gain Stage

The exact high-frequency analysis of a cascode gain stage (Fig. 3.16) is usually left to
simulation on a computer; however, an approximate analysis is not too complicated.
At high frequencies, the time constant due to the output node almost always domi-
nates since the impedance is so large at that node. The total capacitance at the output
node, Cgy. is the parallel combination of Cgg, + Cyp,, the load capacitance C, and
the output capacitance of the bias current source, C,,, (normally, C, is the major
contributor). Assuming that the time constant at the output stage dominates, the —3-dB
frequency is approximately equal to the inverse of the time constant. In other words,
we have

W_34p =

(3.144)
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A more accurate (though still not exact) estimate may be found using the zero-
value time-constant analysis method of [Gray, 1993]. The advantage of this estima-
tion technique is that it gives some insight into the relative importance of each
capacitor in determining the overall -3-dB frequency. The small-signal model being
analyzed is shown in Fig. 3.39, where

Csy = Capy + Cepa + Cysz

Co = ngz +Cyp2+ CL+ Cpias (143

In the zero-value time-constant analysis, all independent sources are set to zero (i.e.,
here, V,,, is set to 0 V) and each capacitor is considered in turn with all other capacitors
set to zero. The corresponding time constant is found and labeled tg; . Then the —3-dB
frequency, ® 4 4p, is estimated to be 1 divided by the sum of all the time constants.
In this circuit, the first time constant found is the one that corresponds to Cgsl,

and it is labelled Tgys,. The resistance seen by Cg, is R;j, and therefore,
Rin (3.146)

The calculation of the time constant corresponding to Cgq is more involved, so
formal methods are used in its calculation. Cgy, is replaced by a voltage source, V,.
Next, the resistance seen by Cgg, is found by calculating the ratio of V, to i, (the
current leaving V, ). The final time constant is then given by this resistance multiplied
by Cqq- The small signal model for this analysis is shown in Fig. 3.40(a), where the
resistance Ry, is the parallel combination of rye; and the impedance seen looking into
the source of Q, (the cascode transistor) at low frequencies. The circuit of
Fig. 3.40(«) can be redrawn as the equivalent eircuit shown in Fig. 3.40(b). In this
transformation, we changed the ground node (which node is called ground is arbitrary
in an analysis) and the direction of the voltage-controlled current source. Notice that
the circuit of Fig. 3.40(b) is essentially the same as the circuit of Fig. 3.13, which was
used for finding the output impedance of a source-degenerated current source. The
analysis here is essentially the same as that used in Fig. 3.13, but will be included here
for clarity. We have

Tegs: = Cgsl

vy = i R, (3.147)
Also,
i = (V= Vy)Gai — I Vy (3.148)

+—0 Vout

1
R Vi Qd

1
Le

.
il
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v by
Vg1 - X + > xl
% % % +
Ri, Im1Vg Ry Vx _% R‘“
gmivy
= = = = vy

l:iin
(@ () =

Fig. 3.40 Two equivolent smallsignal models for calculating the resis-
tance seen by G4,

Substituting (3.147) into (3.148) and solving for v, /i, gives

VX
I’ngi = ]_ = Rdl[i +Rin(Gd] +gm1)] (3.149)

X
The admittance looking into the source of the cascode transistor, Q,, was found previ-
ously in (3.52). Namely,
Yer = Ogs (3.150)
The impedance, Ry, is the parallel combination of this admittance and ryg,. There-
fore, we have

r
Ry = —;—S (3.151)

Substituting this result into (3.149), we have

Fas
fogdr = ?[1+Rin(29ds+gml)]
(3.152)
= i'—df’(l +9m Rin)
- 2 ml'tin
and therefore
. Fas
Tegar = Cgm?(l +0miRin) (3.153)

If Ry, is large, say, on the order of a transistor output impedance, r4s, then this time
constant is approximately given by
Imlss
Togar = Cgar—— (3.154)
This time constant can be almost as large as the corresponding time constant for a
common-source amplifier—a fact not well known.
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The resistance seen by capacitor Cg, is ryg, in parallel with the impedance seen
looking into the source of Q,, which, from (3.52), is approximately rys. Thus, we have

- Tas
Teer = cs27 (3.155)

The resistance seen by Cy, is the output impedance of the cascode amplifier,
which is approximately given by (gmr ds)/ 2 from (3.50). Thus, the time constant due
to Cy, is given by

Oml3s
2

Teaz = Cu (3.156)
Note that this time constant has the same form as (3.154), but normally Cg4, will be
much larger than Cgq, (because C, is often large), making Tgq, dominate.

The sum of the time constants is then given by

Tigtal = Tegst + Togdr + Tes2 + Teaz
gm ds lgs gmrgs (3'157)

ECgslﬁm"'cgdl > +Csz'"2_+cd2 2

The -3-dB frequency, ®_; 4. iS estimated to be 1/7Tyq4

EXAMPLE 3.11

Assume that for both the input transistor and the cascode transistor, gm, =
1 mA/V, g = 100kQ, Ry, = 180kQ, C, = 5pF,Cys = 0.2 pF, Cyy =
15 fF, C, = 40 fF, Cy, = 20 fF, and C,;,, = 20 fF. Estimate the —3-dB
frequency of the cascode amplifier of Fig. 3.16(a).

Solukion

The time constants associated with each capacitor are readily evaluated using
(3.157). First, note that

Cs2 = Capt +Cspa + Cgsz = 0.26 pF

(3.158)
Cdl = ng2+Cdb2+ CL+Cbias = 5.055 pF
We have
Tegst = Cgsll:‘in = 36 ns
O3
Tngl = ngl m ds = 75 ns
(3.159)
1032 = Csz—?-s = 13 ns
2
f
thZ = Cdzgmzas = 25.3 Ks
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As expected, the time constant at the output node dominates, and the second
most important time constant is that due to Cq,, although its effect on the -3-dB
frequency is negligible. Therefore, the —3-dB frequency is accurately given by
O3 45 = 1/7¢4, = 2 x6.3kHz.

Before leaving this section, some comments should be made about the high-
frequency operation of cascode-gain stages. As we just saw, typically one pole domi-
nates, and thus we can reasonably model the amplifier gain as

Ay
Ag) = ———— (3.160)
l+8/® 545
Thus, at frequencies substantially larger than @ , 45, which is usually the frequency
band of operation, the gain is approximately given by
Om1

A
A(s) = ¥ _ = (3.161)
/0 3 45 sC,

using (3.54) and (3.144). It should also be noted that the approximations of (3.144)
and (3.161) are quite good, unless either the source impedance or source capacitance
is very large. In addition, at frequencies much larger than the -3-dB frequency, the
admittance at the source of Q, can be found by using (3.51), where G, is replaced by
G +sC,. Such a substitution results in

G2

as2
G, +sC,

G_+sC,_ (3.162)
RPN R
Qas2 + G +8C

Yinz =
1+

At frequencies where ® >>1/(ryC\), the terms in s dominate, and Y,,, =
Om,- The approximate time constant due to the node at the source of Q, is then
simply given by the total capacitance at that node divided by @,,,. The total
capacitance at the source of Q, is Cg,, in parallel with Cy,, in parallel with
Cgq1- Because this capacitance is not excessively large and the impedance at the
node, 1/g.,,, is small, the time constant at that node can uvsually be neglected.
However, in amplifiers with a small source impedance, this node would still be the
primary factor determining the second pole of a cascode amplifier. It is easy to
derive an upper bound on the time constant at the source of Q,. Almost always,
Cgp; in parallel with Cgq, is less than Cgsz- Therefore, the total capacitance at
the source of Q, is equal to KC,,, where K is between 1 and 2 (usually closer
to 1). Using
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Gmz2 = HpCox r) Vert2 (3.163)
2

for the folded-cascode amplifier (for the telescopic-cascode amplifier, substitute W,

for ptp), and using

2 .
032 = KCgsZ = Kg(WL)ZCOX (3]64)

gives the approximale frequency of the second pole (ignoring the time constants at
other nondominant nodes):
@ = b Om 3UpVer S 3pVern
P27 g, Csn  2KL2 413
This equation is an upper limit on the unity-gain frequency of any amplifier that uses
a cascode gain stage. Note that (3.165) is relatively independent of that actual design
once Vg, is chosen, and Vg, is usually determined by maximum signal-handling
requirements. Also note that @, has a very strong dependence on the channel length.

(3.165)

EXAMPLE 3.12

Estimate the lower bound on the frequency of the second pole of a folded-cascode
amplifier for a 0.8-pm technology, where a typical value of 0.25 V is chosen for
Vetrz - B

Solution

Normaily, the minimum length of a cascode transistor in an analog circuit might
be 25 to 50 percent of the minimum length of transistors used in digital circuits.
Therefore, assuming L, = 1.5-08 um = 1.2 ym, and using p, = 0.02
m’/V-s, and Vetra = 0.25 V, we have @y, > 1.7x 10% rad =2x - 276 MHz.
For a telescopic-cascode amplifier, the upper bound would be 690 MHz. In
most practical opamp designs, the unity-gain frequency of a typical design
might be limited to around one-half the frequency of the lower bound second
pole. In this example, the typical unity-gain frequencies would be 138 MHz and
345 MHz for the folded-cascode and telescopic-cascode amplifiers, respec-
tively. '

Finally, the time constant at the gate of the input transistor can be important when
the source resistance is large, though not as important as in a common-source stage,
since a cascode gain-stage does not suffer as much from a Miller effect. In other
words, at high frequencies, the effective impedance at the source of Q, has decreased
to 1/Qpms. and there is not much gain from the gate of Q, to the source of Q,. Recall
that in a common-source amplifier, the effective size of ng, was magnified by the
gain of the common-source amplifier.
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3.12 SPICE SIMULATION EXAMPLES

In this section, circuit diagrams, netlists, and simulation results for selected examples
in this chapter are presented. Each of the netlists contains the circuit elements and
cornmands used in the simulations, but does not contain transistor model parameters,

Simulation of Example 3.2

The circuit for Example 3.2 is shown in Fig. 3.41 where a 5-V power supply is used.
The bias voltage, V;,, has to be set such that both Q, and Q, are in the active region,
and approximately 2.5 V appears across the drain-source nodes for each of them.

NETLIST:

vdd 1 0 dc5

ibias 2 0 de 100u

m3 2 2 1 1 pmos w=100u I=1.6u
m2 3 2 1 pmos W=100u I=1.6u
ml 3 4 0 0 nmos w=100u [=1.6u
vin 4 0 dc 0.849 ac |

.op

.ac dec 10 1k 10000Meg

-print vdb(3)

.option post
Jib *..femos_models” library
.end

The frequency plot for this simulation is shown in Fig. 3.42. Note that the gain is
36 dB, which corresponds to approximately 63 V/V.

Simulation of Example 3.3

The circuit for Example 3.3 is shown in Fig. 3.43, where it should be noted that the
body of Q, is tied to ground, rather than to its source.

Fig. 3.41 Circuit for Example 3.2.
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Fig. 3.42 Frequency simulation result for the common-
source amplifier.

Vaa
1 Vl‘n O—l
4
Ibias aut
2 Q, -
Q,
2 Active load
0= Fig. 3.43 Circuit for Example 3.3.
NETLIST:
vdd 1 0 dc 5
ibias 1 2 dc 100u
m3 2 2 0 0 nmos w=100u I=1.6u
m2 3 2 0 0 nmos w=100u |=1.6u
ml | 4 3 0 nmos w=100u |=1.6u
vin 4 0 dc2acl
.0p
.ac dec 10 1k 1000Meg
.print vdb(3)

.option post
Jib “../emos_models” library
.end

The frequency plot for this simulation is shown in Fig. 3.44. The gain is -1.3 dB,
which corresponds to 0.86 V/V.
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Fig. 3.44 Frequency plot for the sourcefollower circuit.

Simulation of Example 3.8

The circuit for Example 3.8 is shown in Fig. 3.45.

NETLIST:
vad 10 de5
ibias 2 0 dc 100u
m3 2 2 1 | pmos w=100u I=1.6u
m2 3 2 t 1 pmos w=100u 1=1.6u
ml 3 4 0 0 nmos w=100u I1=1.6u
rin 5 4 180k
vin 5 0 dc 0.849 ac 1.
cl 3 0 0.3p
op
.ac dec 20 1k 100Meg
print vdb(3)
1
Vad
Qs I-—u-T-|
2
Ibias
5
n R

Fig. 3.45 Circuit for Example 3.8.
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Fig. .46 Estimate of the —3-dB frequency for a common-
source amplifier.

.option post
1ib “.Jecmos_models” library
.end
The frequency plot for this simulation is shown in Fig. 3.46, where we see that
the —3-dB frequency occurs around 460 kHz.
Simulation of Example 3.9

The circuit for Example 3.9 is shown in Fig. 3.47.

NETLIST:

vdd 1 0 dc 5

Vss 2 0 dec -5
ibias 3 2 dc 100u
rin 4 0 180k

Iil‘l F1in j—_ Cin
I Ibias
.(.) =

Fig. 3.47 Circuit for Example 3.9.
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Vout [V
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Fig. 3.48 The step response of a source follower,
showing a 10-percent overshoot.

cin 4 0 30f

cl 3 0 10p

ml 1 4 3 2 nmos w=100u |=1.6u
iin 4 0 pulse (0 -5u 10n 0 0)
.op -

.option post

tran 0.5n 300n

.print v(3)

Jib “../emos_models” library

.end

The step response of the source follower is shown in Fig. 3.48. The overshoot
here is about 10 percent.

Simulation of Example 3.10

The circuit for Example 3.10 is shown in Fig. 3.49. The compensation network that
eliminates the complex conjugate poles is included. The simulation is used to obtain
the frequency plot from which the first and second poles of the resulting source fol-
lower are determined.

NETLIST:

vdd 1 0 dc 5

Vss 0 dc -5
ibias 3 2 dc 100u

186 of 720




174  Chapter 3 ¢ Basic Current Mirrors and Single-Stage Amplifiers

Fig. 3.49 Circuit for Example 3.10.

110

VoufL, (0B
2

tin 4 0 180k

cin 4 0 30f

cl 3 0 10p

ml 1 4 3 2 nmos w=100u |=1.6u
iin 4 0 dcOacl

cl 4 5 0.17p

rl 5 0 49,3k

.op

.print vdb(3)

dib “.femos_models” library

.end

-

The frequency plot of this source follower is shown in Fig. 3.50. The first pole
occurs around 3.6 MHz, whereas the second pole occurs around 16 MHz.

—20 dB/decade

~40 dB/decade

4 o 7 )

10 16° 10 10 10° 10
Frequency [Hz]

Fig. 3.50 The bode plot of a source follower with a
compensation network.

R e R
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Simulation of Example 3.11
The circuit for Example 3.11 is shown in Fig. 3.51. Notice that Q, through Q, form

a cascode current mirror to produce I,s. The width and length of the p-channel tran-
sistors are chosen such that their g, and rys are matched to those of the n-channel

transistors.
NETLIST;
vdd | 0 dc 5
ibias 6 0 dc 100u
md 6 6 7 1 pmos w=390u |=2u
m5 7 7 1 1 pmos w=390u |=2u
mb 8 7 I 1 pmos w=390u |=2u
m3 2 6 8 1 pmos w=390u |=2u
m2 2 3 4 0 nmos w=100u 1=1.6u
ml 4 5 0 0 nmos w=100u I=1.6u
cl 2 0 Sp
vbias 3 0 dc 2.5
vin 5 0 dc 08425 ac 1
.op
.ac dec 10 0.1 1000Meg
.print vdb(2)
.Option post -
Jib *../Jemos_models” library
.end

The frequency plot of this cascode amplifier is shown in Fig. 3.52. The gain at dc
is 80 dB (i.e., 10,000 V/V) and has a —3-dB frequency around 2 kHz.

Fig. 3.51 Circuit for Example 3.11.
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Galn [dB)
8 & 8
-

g = - w . Fig.3.52 .The frequency plot of the cas-
code amplifier.
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3.14 PROBLEMS

Unless otherwise stated, assume the following:

* npn bipolar transistors:

f =100
Vpo=80V
T, = 13 ps
T3 = 4 ns
rn, = 330 Q

¢ n-channel MOS transistors:
LaCox = 92 ].u-’f\/v2
Vi, = 08 V 3
y= 05V =
rys (€2 = 8,000L (um)/Iy (mA) in active region
C, =24 x 107" pF/(pm)’
Ciow = 20x 107 pF/um
Cox=19% 107 pF/(um)y
Cgs(overiap) = ng(oveﬂap) =20x10" pF/pm
«  p-channel MOS transistors:
HoCox = 30 pA/V?
th =09V
v =08 V"
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3.14 Problems 177

rgs () = 12, OOOL (um)/ Iy (mA) in active region
Ci=45x10"" pF/(y.m)z

stw-25x 10 pF/}.Lrn

Cor = 1.9x 107 pF/(um)* .
Cgs(ovedap] = ngfovedap) = 20x10 " pF/pm

Consider the current mirror shown in Fig. 3.1, where I, = 80 QLA, transistor
Q, has W/L = 100 um/ 1.6 pum, and transistor Q, has W/L =

25 pm/ 1.6 pm. Find the nominal output current as well as the output imped-
ance, rg,. Also, find the minimum output voltage such that both transistors
remain in the active region.

For the common-source amplifier in Fig. 3.4, derive the relationship between
the bias current, [;;;,5, and the dc gain. Assume all transistor sizes are the same.

For the common-source amplifier in Fig. 3.4, assume there is a load capacitor,
Cy, that dominates the frequency response. Derive the —3-dB frequency of the
amplifier. Find the relationship between the —3-dB frequency and the bias cur-
rent, 1,;,s. Assume all transistor sizes are the same.

In the high-frequency analysis of a common-source amplifier, show that the
transfer function given in equation (3.103) can be derived from nodal equations
(3.101) and (3.102).

Find the —3-dB frequency of the common-source amplifier in Fig. 3.4, assum-
ing that all transistors have W/L = 75 pm/1.6 pm and that I,;;,5 = 75 pA.
The first step is to estimate the areas and peripheries of the junctions based on
simple layout rules. In this step, assume eaclt transistor is composed of three
gate stripes. Based on this geometry, the next step is to estimate the parasitic
capacitances of the small-signal model. In this step, assume the dc bias voltage
of the output node is halfway between ground and the 5-V power-supply
voltage.

Derive the low-frequency output impedance of the source follower shown in
Fig. 3.6.

Derive an equation for the impedance looking into the source of a source fol-
lower. Use a small-signal model similar to that in Fig. 3.8, but do not take into
account G and Rg,.

Repeat Example 3.9, but assume C, = 0.5 pF when (a) the source is not con-
nected to the substrate, and (£) the source is connected to the substrate.

Repeat Example 3.10, but assume C; = 0.5 pF when (a) the source is

not connected to the substrate, and (b) the source is connected to the sub-
strate.

Assume that the common-gate amplifier of Fig. 3.9 has a bias current of

0.1 mA and that all transistors have a W/L of 100 um/1.6 pm. Also assume
the following:

Fgs.n (€) = 8,000L (um)/Ip (mA)

Fas-p () = 12,000L (um)/Ip (mA)
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3.11

312

313

3.14

3.15

3.16

317

ke e T T R

R, = 180 kQ
C_=1pF
Cqge = 0.2 pF
Cyq = 15 fF
C., = 40 fF
Cy = 20 fF

And assume the input source has a 30-fF output cape{citance. Find the -3-dB
frequency of the amplifier.

Derive the output impedance of the current mirror shown in Fig. P3.11, where
a diode-connected transistor has been included in series with the source of the
output transistor.

| l Rout
I
Vrei O—l Q1

Q,
= Fig. P3.11

A MOS n-channel cascode current mirror has a bias current of 0.1 mA and
transistor sizes given by W/L = 50 um/1.6 pm. What is the minimum out-
put voltage allowable across the current mirror without any transistors entering
the triode region?

Using small-signal analysis, find the output impedance of a MOS cascode cur-
rent mirror. Include in your analysis the voltage-dependent current source that
models the body effect.

Using small-signal analysis, find the equation for the output impedance,
Fout» Of @ MOS Wilson current mirror, and show that it is approximately
given by

gmlrdsl)
2

Ignore the body effect. Remember to include the effect of the output imped-
ance of the input current source.

lout = rd54(

Repeat Problem 3.14, but include the voltage-dependent current source that
models the body effect.

Repeat Example 3.11, in which a cascode amplifier is analyzed to find its -3-dB
frequency, but assume C, = 0.5 pF.

Derive an expression for the frequency at which the magnitude of the gain of a
cascode amplifier has decreased to unity. What is this value when the parame-
ters of Example 3.11 are used, except that G, = 2 pF?
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3.14 Problems 179

Derive the current gain, I,/ 1, for the bipolar current mirror shown in

Fig. 3.22, and show that, for B >> 1. this gain is 1 - 2/B. (Neglect finite out-
put impedances.)

Derive the current gain, [,/ I;,, for the bipolar current mirror shown in

Fig. 3.23, and show that, for  >> 1, this gainis 1 -2/ Bz. (Neglect finite out-
put impedances.}

For the bipolar cascode current mirror shown in Fig. 3.25(a), derive the current
gain, [,,/I;, . and show that, for large [3. this gain is given by
Ioul 4

L R
Iin B
For the bipolar Wilson current mirror shown in Fig. 3.25(b), show that the cur-
rent gain, I,/ I, . 1s given by
Tou 2

—_— =1

L [32 +2B+2
Derive the output impedance of the simple bipolar current mirror shown in Fig.
P3.22. Take the finite output impedance, r,, into account for both transisiors.
What is the required value for R, and what is the output impedance if we want
the transistors to be biased at 0.2 mA ?

VDD = 5 V
Rbias lJ Rom -
!

Q, Qy

= = Fig. P3.22

For a common-source amplifier similar to that in Fig. 3.4 but realized using
bipolar transistors, derive the relationship between the bias current, Iy, , and
the dc gain.

Derive the -3-dB frequency of a bipolar common-emitter amplifier.

Derive the low-frequency gain and output impedance of a bipolar emitter fol-
lower that is biased with a current mirror. What are these values for a 0.5-mA
bias current?

Derive the low-frequency input impedance and the gain of a bipolar common-
base amplifier.

For the circuit shown in Fig. P3.27, show that the output impedance, I, is
approximately given by

Fout = Toal1 + Gma(Re Nl 1))
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I lHout
|

Re
= Fig. P3.27

3.28 Taking into account the finite current gain of bipolar transistors, but ignoring
the finite output impedance, find the large-signal current gains of cascode and
Wilson current mirrors.

3.29 Assuming B >> | and g,,f, >> B, show that the output impedance of a bipolar
Wilson current mirror is approximately given by

Br,

r
out 9

3.30 Repeat Problem 3.29 for a bipolar cascode current mirror.

3.31 For the differential-input stage in Fig. 3.19, assume that I;;,. = 0.1mA, all
transistors have W/L = 100 pm/ 1.6 pm. and the load capacitance is
100 pF. Find the dc gain and the —3-dB frequency.

-
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CHAPTER

A Noise Analysis and
Modelling

To develop good analog circnit design techniques. a basic understanding of noise
sources and analysis is required. Another motivation to study noise analysis is to learn
basic concepts of random signals for a proper understanding of oversampling convert-
ers. The purpose of this chapter is to present some fundamentals of noise analysis fol-
lowed by an introduction to electronic noise sources and circuit analysis.

It should be mentioned here that this chapter deals with inherent roise as opposed
to interference noise. Interference noise is a result of unwanted interaction between
the circuit and the outside world, or between different parts of the circuit itself. This
type of noise may or may not appear as random signals. Examples are power supply
noise on ground wires (such as a 60-Hz hum) or electromagnetic interference between
wires. Interference noise can be significantly reduced by careful circuit wiring or lay-
out. In contrast, inherent noise refers to random noise signals that can be reduced but
never eliminated since this noise is due to fundamental properties of the circuits.
Some examples of inherent noise are thermal, shot,"and flicker noise. Inherent noise is
only moderately affected by circuit wiring or layout, such as using multiple base con-
tacts to change the resistance value of the base of a transistor. However, inherent
noise can be significantly reduced through proper circuit design, such as changing the
circuit structure or increasing the power consumption.

The outline of this chapter is as follows: First. a time-domain analysis of noise
signals (or other random signals) is presented. Here, basic concepts such as rms value,
signal-to-noise ratie, and noise summation are presented. Nexl, a frequency-domain
analysis of noise is presented. As with deterministic signals, analysis in the frequency
domain results in more powerful analysis tools than does analysis that remains strictly
in the time domain. Noise models for circuit elements are then presented, and finally,
two circuit noise analyses are performed to give the reader some experience in such
analysis.

4.1 TIME-DOMAIN ANALYSIS

Since inherent noise signals are random in nature, we define here some basic tools to
effectively deal with random signals. Specifically, in this section, we define the fol-
lowing terms in the time domain: rms value, SNR, dBm, and noise¢ summation.

181
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04 T : - .

0.3r : 1

0.2r W 4
0.1r
“OV) ‘ | V{

w |

03 0.2 0.4 0.6 0.8 1 Time (s)

Fig. 4.1 Example of a voltage noise signal {time domain).

An example of a random noise signal in the time domain is shown in Fig. 4.1
Although this signal here is a voltage signal, it could just as easily be current noise or
some other quantity. It should be noted that this noise signal appears to have an aver-
age value of zero. In fact, throughout this chapter we will assume all noise signals
have a mean value of zero, which simplifies many of the definitions and is also valid
in most physical systems. h

Rms Value

Consider a noise voltage, v,(t), such as that shown in Fig. 4.1, or a noise current,
i(t). The rms, or root mean square, voltage value is defined! as

1 172
Vagms) = [—Evﬁ(t) dt} @.1)

T

where T is a suitable averaging time interval. Typically, a longer T gives a more
accurate rms measurement. Similarly, the rms current value is defined as

1 172
Logmsy = [.T-_[(T)ii(t) dt:l (4.2)

The benefit in knowing the rms value of a signal is that it indicates the normalized
noise power of the signal. Specifically, if the random signal v,(1) is applied to a 1-Q
resistor, the average power dissipated, Py, in watts, equals the normalized noise

1. For those more rigorously inclined, we assume throughout this chapter that random signals are ergoedic,
implying their ensemble averages can be approximated by their time averages.
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4.1 Time-Domain Analysis 183

power and is given by

Vr21(rm5) 2
Paiss = 1 Q = Vn(rms) (4.3)

This relationship implies that the power dissipated by a resistor is the same whether a
random signal or a dc level of k volts (rms) is applied across it. For example, a noise
signal with an rms value of 1 mV (rms) dissipates the same power across a resistor as
a dc voltage of 1 mV.

Similarly, for a noise current, i,(t), applied to a 1-Q resistor,

F’diss = Ii{rms) x14) = Ii(rms) 4.4

2 -
As a result, the square of the rms values, Vi(rms) and I, are sometimes referred
to as the normalized noise powers of these two signals.

SNR

The signal-to-noise ratio (SNR) value (in dB) of a signal node in a system is defined as

(4.5)

i 1
SNR = mmg{w}
noise pOWCI'

Thus, assuming a node in a circuit consists of a signal, \21,(t) ,that has a normalized signal
2 . . . .
power of V¢, and a normalized noise power of Vi s, the SNR is given by

n(rms)

V)z( rm VX rm
SNR = 1010g|:—2(—$)} = 2010g|:—(——5}} (4.6)

n{rms)

Clearly, when the mean-squared values of the noise and signal are the same, then
SNR = 0 dB.

Units of dBm

Although dB units relate the relative ratio of two power levels, it is often useful to
know a signal’s power in dB on an absolute scale. One common measure is that of
dBm, where all power levels are referenced by 1 mW. In other words, a 1-mW signal
corresponds to 0 dBm, whereas a 1-uW signal corresponds to —30 dBm. When volt-
age levels are measured, it is also common to reference the voltage level to the equiv-
alent power dissipated if the voltage is applied across either a 50-€2 or a 75-Q resistor.

EXAMPLE 4.1

Find the rms voltage of a 0-dBm signal referenced to a 50-€ resistor. What is
the level in ¢Bm of a 2-volt rms signal?
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Solution

A 0-dBm signal referenced to a 50-€2 resistor implies that the rms voltage level
equals

Vims) = (50 Q) x T mW = 0.2236 A7)

Thus, a 2-volt rms signal corresponds to

2.0
toel =22 Y = 1948 48
Og(o.zzsﬁ) m 4.8)

and would dissipate 80 mW across a 50-€) resistor.

Note that the measured voltage may never be physically applied across any 50-Q
resistor. The measured voltage is referenced only to power levels that would occur if
the voltage were applied. Similar results are obtained if the power is referenced to a
75-£2 resistor.

Noise Summation

Consider the case of two noise sources added together, as shown in Fig. 4.2. If the rms
values of each individual noise source are known, what can be said about the rms
value of the combined signal? We answer this question as follows. Define v, (1) as

Vno(t) = an(t) + Vnz(t) 4.9

where v (1) and v (1) are two noise sources with known rms values V. ms) and
V2(rms) - respectively. Then we can write

2 1T
Vhoims) = -_I—J-O [Vni (D) + Vnz(t)]2 dt (4.10}
which, when expanded, gives,

2 2 2T
Vioums) = Viiams + Vazeme + 2o nOVaatt ot @.11)

Vil t Inoll
Vnglt)

) i4(D) inz(t)

(a) (b}

Fig. 4.2 Combining two noise sources, (a) voltage, and {b} current.
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Note that the first two terms in the right-hand side of (4.11) are the individual mean-
squared values of the noise sources. The last term shows the correlation between the
two signal sources, vV, {t} and v,,(t). An alternate way to write (4.11} that better indi-
cates the effects of signal correlation, is to define a correlation coefficient, C, as

1T
fovavaat
C = (4.12)
Vn1 (rms)VnE[rms)

With this definition, (4.11) can also be written as
2 2 2
Vno(rms) = an(rms) + Vnz‘(rms) + 2Cvnl(rms)VnZ(rms) (4.13)

It can be shown that the correlation coefficient always satisfies the condition
~-1<C £1. Also, a value of C = £ implies the two signals are fully correlated,
whereas C = 0 indicates the signals are uncorrelated, Values in between imply the
signals are partially correlated. Fortunately, we have litile reason to analyze partially
correlated signals since different inherent noise sources are typically uncorrelated.

In the case of two uncorrelated signals, the mean-squared value of their sum is
given by

2 2 2
Vno(rms) = an(rms) + Vn2[rms) (4.14)

This relationship indicates that two rms values add as though they were vectors at
right angles to each other (i.e., orthogonal} when signals are uncorrelated.

It is of interest to contrast this uncorrelated case with that for fully correlated signals.
An example of two fully correlated (though deterministic) sources are two sinusoidal
signals that have the same frequency and a phase of 0 or 180 degrees with each other.
In this fully correlated case, the mean-squared value of their sum is given by
V?\o(rms) = [an(rms) * Vm(rms)]2 (4.15)
where the sign is determined by whether the signals are in or out of phase with each
other. Note that, in this case where the signals are fully correlated, the rms values add
linearly (similar to aligned vectors).

EXAMPLE 4.2
Given two uncorrelated noise sources that have V. . .o = 10 uV and
Vizimsy = 3 UV, find their total output rms value when combined. If we are
required to maintain the total rms value at 10 uV, how much should Vs,
be reduced while V5 s, remains unchanged?
Solution
Using (4.14) results in
Vioime = (10°+5%) = 125(uvy* (4.16)

which results in V5 ms, = 11.2 UV,
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To maintain Voms; = 10 WV and V) ms, = 5 BV, we have
10° = Vi ime) + 5° 4.17)

which results in Ve, = 8.7 WV. Therefore, reducing V, 4 msy by 13 per-
cent is equivalent to eliminating V5 mg, altogether!

The above example has an important moral. T reduce overall noise, concentrate
on large noise signals.

4.2 FREQUENCY-DOMAIN ANALYSIS

As with deterministic signals, the frequency-domain techniques are useful for dealing
with random signals such as noise. This section presents frequency-domain tech-
niques for dealing with noise signals and other random signals. It should be noted that
units of hertz (Hz) (rather than radians/second) are used throughout this chapter since,
historically, such units have been commonly used in the measurement of continuous-
time spectral densities.

Noise Spectral Density

Although periodic signals (such as a sinusoid} have power at distinct frequency loca-
tions, random signals have their power spread out over the frequency spectrum. For
example, if the time-domain signal shown in Fig, 4.1 is applied to a spectrum ana-
lyzer, the resulting spectrum might look like that shown in Fig. 4.3(a). Note here that
although the horizontal scale is the usual frequency axis, the vertical scale is in units
of microvolts-squared/hertz. In other words, the vertical axis is a measure of the nor-
malizad noise power {mean-squared value) over a 1-Hz bandwidth at each frequency
point. For example, the measurement at 100 Hz in Fig. 4.3(a) indicates that the nor-
malized power between 99.5 Hz and 100.5 Hz is 10 (;1‘\/)2 .

Vi)
31.6
uv 10

JHz 3.16
1.0

Spectral density Root spectral density

.

\
0.1

¥ Ll

T L] T
10 10 100 1,000 ' (Hz) 0.1 1.0 10 100 1,000  (Hz)
(a) (b)

Fig. 4.3 Example of voltage spectral density (frequency domain), for (a) spectral density, and (b}
root spectral density.
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Thus, we define the noise spectral density, V: A(fy (or, in the case of current,

n(f)) as the average normalized noise power over a 1-Hz bandwidth. The units

of \' (f) are volts-squaredr/hertz, whereas those of I H(f) are amps-squared/hertz. Also,
n(l‘) i1s a positive real-valued function.

It should be emphasized here that the mean-squared value of a random noise sig-
nal at a single precise frequency is zero. In other words, the mean-squared value of the
signal shown in Fig. 4.3(a) measured at 100 Hz is directly proportional to the band-
width of the bandpass filter used for the measurement. In a laboratory spectrum ana-
lyzer, the bandwidth of the bandpass filter is determined by the resolution-bandwidth
control. Thus, as the resolution bandwidth goes to zero, the mean-squared value also
becomes zero.’ Conversely, as the resolution bandwidth increases, so does the mea-
sured mean-squared value. In either case, the measured mean-squared value should be
normalized to the value that would be obtained for a bandwidth of | Hz when the noise
spectral density is stated in units of v/ (Hz). For example, if the signal corresponding
to Fig. 4.3(a) were measured at around 0.1 Hz using a resolutlon bandwidth of
I mHz, the mean-sguared value medsured would be 1 (uV) which, when scaled to
a 1-Hz bdndWldth, equals 1,000 (uV )/ Hz.

An intuitive explanation of how a random noise signal is measured using a spec-
trum analyzer is as follows. A random noise signal has a frequency that is continually
changing through a broad continuum of frequencies. A spectrum analyzer is sensitive
to only a narrow frequency range that is the passband of its filter, and it measures the
mean-squared value in that range. The filter of the spectrum analyzer reacts with a
time constant approximately given by

1

T = ey (4.18)
where W is the bandwidth of the filter. For some of the time, the random signal has
the same frequency as the spectrum analyzer’s filter. Thus, the spectrum analyzer
effectively measures what percentage of time the random signal is in the frequency
range of its filter. The narrower the bandwidth of the filter, the less percentage of time
the signal is within its frequency range, and therefore the smaller is the spectrum ana-
lyzer’s output. However, if the signal is not a random signal wandering in and out of
the frequency range of the spectrum analyzer’s filter, but is a deterministic signal at
the center frequency of the filter, then the spectrum analyzer’s reading is independent
of the filter’s bandwidth.

It is often convenient to plot the square root of the noise spectral density when
we deal with filtered noise. Taking a square root results in V,(f), as shown in
Fig. 4.3(5). We will refer to V (f) as the root spectral density which is expressed in
units of volts/root-hertz (ie., V/JHE). In the case of current noise, the resulting
units are amps/root-hertz. Note that the horizontal axis remains unchanged although
there is a root-hertz factor in the vertical axis.

Since the spectral density measures the mean-squared value over a 1-Hz band-
width, one can obtain the total mean-squared value by integrating the spectral density

2. Such a result would not occur when a 100-Hz sinusoidal waveform is measored.
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over the entire frequency spectrum. Thus, the rms value of a noise signal can also be
obtained in the frequency domain using the following relationship:

Viems = Ja Vi df (4.19)
and similarly for current noise, )
Rimey =[5 T f 4.20)

Finally, it should be mentioned here that the spectral density function, V,z,(f), is
the Fourier transform of the autocorrelation function of the time-domain signal, v (t).
This relationship is known as the Wiener—Khinchin theorem. It should also be noted
that the relationship just shown defines a one-sided spectral density function since the
noise is integrated only over positive frequencies as opposed to both negative and
positive frequencies, again primarily for historical reasons. A two-sided definition
results in the spectral density being divided by two since, for real-valued signals, the
spectral density is the same for positive and negative frequencies, and the total mean-
squared value remains unchanged.

EXAMPLE 4.3

What mean-squared value would be measured on the signal shown in Fig. 4.3 at
100 Hz when a resolution bandwidth of 30 Hz is used on a spectrum analyzer?
Answer the same question for a 0.1-Hz resolution bandwidth.

Solution

Since the portion of spectral density function is flat at about 100 Hz, the mea-
sured value should simply be proportional to the bandwidth. Since the noise
spectral density is 10 (uV)Z/ Hz at 100 Hz, the output of a 30-Hz filter is
30 Hz x 10 (LV)? = 300 (uV)* (or an ms value of 300 pV).

For a ().1-Hz bandwidth, the measured value would be 10 times smaller than
for a 1-Hz bandwidth, resulting in a value of 1 (uV)2 {or an rms value of
1 puvy.

White Noise

One common type of noise is white noise. A noise signal is said to be white if its spec-
tral density is constant over a given frequency. In other words, a white noise signal
would have a flat spectral density, as shown in Fig. 4.4, where V() is given by

Vo(fy = Vou (4.21)

and V., is a constant value.

e e
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Vi
( ﬂ ) 04 Root spectral density
" se Vo =V = 32%
10+
I } } } » f
0.1 1.0 10 100 1,000 (Hz)

Fig. 4.4 An example of a white noise signal.

1/k, or Flicker, Noise

Another common noise shape is that of 1/f, or flicker, noise.” The spectral density,
Vf,(f) , of /f noise is approximated by

~
ra

Vi = TV (4.22)

where k, is a constant. Thus, the spectral densiry is inversely proporiional to frequency,
and hence the term “1/f noise.” In terms of root spectral density, 1/f noise is given by

Ky
VH = — (4.23)
N -
Note that it is inversely proportional to JF (rather than ). An example of a signal
having both /f and white noise is shown in Fig. 4.5. Note that the 1/f noise falls off at
a rate of —10 dB/decade since it is inversely proportional to ./f. The intersection of

the 1/f and white noise curves is often referred to as the 1/ noise corner {it occurs at
10 Hz in Fig. 4.5).

-10 dB/decade Root gpectral density

6.2
/ Vi) = (32x10 ) Xf10 ) +(1x10°%

1/§ noise corner

s

1l ] ] Il
T T T

I T
01 10 10 100 1,000

1/f noise White noise
dominates dominates

v

Fig. 4.5 A noise signal that has both 1/f and white noise.

3. 1/, or flicker, noise is also referred to as pink roise since it has a large low-frequency content.

202 of 720




190  Chapter 4 » Noise Analysis and Modelling
Filtered Noise

Consider the case of a noise signal, V,(f), being filtered by the transfer function
A(s), as shown in Fig. 4.6. Here, A(S) represents a linear transfer function as a
result of some circuit amplification, filtering, or both. The following relationship
between the input and output signals can be derived using the definition of the spec-
tral density.

Vi) = |A(2rh*Vo (4.24)

The term 27f arises here since, for physical frequencies, we replace 8§ with jo =
j2nf. Note that the output spectral density is a function only of the magnitude of the
transfer function, and not its phase. As a result of (4.24), the total output mean-
squared value is given by

Vﬁo(rms) = J.:1A(jZth)|2Vr2"(f) df (4.25)

If we wish to work with root spectral densities, we can take the square root of both
sides of (4.24) resulting in

Voold) = 1AG2ED|V,i(h) 4.26)

The relationship in (4.26) should make intuitive sense since it indicates that the
transfer function simply shapes the root spectral density of the input noise signal. It
is 1mportant to note here that the root spegtral den51ty 1s simply shaped by
(as seen by (4.24)).
Hence, we see the benefit in dealing with the root spectral density rather than the i
spectral density. Specifically, straightforward transfer function analysis is applied 4
when using root spectral densities, whereas squared terms are required to deal with
spectral densities.
It is also of interest to consider the case of multiple uncorrelated noise sources
that are each filtered and summed together. For example, consider the system shown
in Fig. 4.7 in which three filtered, uncorrelated noise sources combine to form the
total output noise, V,,(f). In this case, one can show that if the input random signals
are uncorrelated, the filter outputs are also uncorrelated. As a result, the output spec-
tral density is given by

Vi = 3 |AG2Rh*Vab 427

i=1,2,3

V2 = |AG2rhVA D
V2»(f) A(s)
it e—m > v, = |A2rH|V, ()

Fig. 4.6 Applying a tronsfer function [i.e., filter} to a noise
signal.
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Frequency-Domain Analysis
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1/2
. 2
A2 V2
i=1,2,3

Fig. 4.7 Filtered uncorrelated noise sources contributing to total output noise.

EXAMPLE 4.4

Consider a noise signal, V(f), that has a white root spectral density of
20 nV/ .J/Hz, as shown in Fig. 4.8(a). Find the total noise rms value between
dc and 100 kHz. What is the total noise rms value if it is filtered by the RC filter
shown in Fig. 4.8(b), where it is assumed the RC filter is noise free?

Solution
For the noise mean-square value from dc to 100 kHz of V), we have

2
Vni(rms) =

(‘)0 20%df = 4x 107 (nV)*

(4.28)

resulting in an rms value of Ve, = 6.3 LV rms . Note that, for this simple
case, one could also obtain the rms value by multiplying 20 nV/./Hz by the

square root of the frequency span, or

100 kHz , resulting in 6.3 1LV rms.

Viith 4 R=1kQ
V. (f
ﬂ 20 Vni(f) g—ﬁMTq no( )
JAz \ , \ Ny 1 IC=O.159uF
T T T |4 > fO - <
1.0 10 100 10° 10 2nRC
(a) (b)
. A
|AG2nh)f 4 AlS) = —1 Vno(f)
(dB) 1+ s/2nf,
0 v 20
-20T 21
- —+ f —————+ b f
1.0 10 100 10° 10 1.0 10 100 10° 10
(© (d)

Fig. 4.8 ({a) Spectral density for V (f). (b] RC filter to shape noise. (¢] RC filter frequency
response. (d) Spectral density for V, (f) .
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For the filtered signal, V(f). we find that the RC filter has the frequency
response shown in Fig. 4.8(c). Therefore, we can multiply the root spectral den-
sity of V(f) with the frequency response. |A(j2nf)|, to obtain the root spectral
density of V(f). as shown in Fig. 4.8(d). Mathematically, the output root spec-
tral density is given by

-9
Vno(f) = & (4.29)

1+ [i Jh
fo
where f, = 10" . Thus. the noise mean-squared value of V(f) between de and
100 kHz is given by

. ' 207 > 10’
no(rms) = -[n " :df = 2071, arctan(f/fo)‘ﬂ
L+ (— (4.30)
fa
= 6.24x 10°(nV)*
which results in an rms value of Ve, = 0.79 pV rms. Note that the noise

rms value of V  (f) is almost 1/10 that of V;(f) since high-frequency noise
above | kHz was filtered. The lesson here is that you should not design circuits
for larger bandwidths than your signal requires, otherwise noise performance
suffers.

Noise Bandwidth

We just saw that the spectral density function is determined by the noise power within
each 1-Hz bandwidth. Thus, in theory, one could measure the spectral density func-
tion by filtering a noise signal with a brick-wall bandpass filter having a 1-Hz band-
width. The term brick wall implies here that the 1-Hz bandwidth of the filter is passed
with a gain of one, whereas all other frequencies are entirely eliminated. However,
practical filters can only approach a brick-wall response as their complexity (i.e., filter
order} is increased. Thus, for lower-order filters with a 1-Hz passband, more noise
power is passed than what is simply in a 1-Hz bandwidth. To account for the fact that
practical filters have more gradual stopband characteristics, the term noise bandwidth
is defined. The noise bandwidth of a given filter is equal to the frequency span of a
brick-wall filter that has the same output noise rims value that the given filter has
when white noise is applied to both filters (peak gains are the same for the given and
brick-wall filters). In other words. given a filter response with peak gain A, . the noise
bandwidth is the width of a rectangular filter that has the same area and peak gain,
A, . as the original filter.

For example, consider a first-order, low-pass response with a 3-dB bandwidth of
fy. as shown in Fig. 4.9(e). Such a response would occur from the RC filter shown in
Fig. 4.8(b} with f, = (1/2nRC). The transfer function of A(S) is given by
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1
" & [ — . ¥ 3
[Ag2nt) A®) 1+s/2nfy |Aprick2h)|
0 ~20 dB/decade 0
(dB) (dB) +
—20+ -2041
——— > > 1
o fo g 10f Jo Jo N g
100 10 ° 100 10 fe =%
(a) (b)

Fig. 4.9 (o} A firstorder, low-pass response, and (b} a brick-wall filter that has the same peak
gain and area as the firstorder response.

] i A(S) = {4.31)
3 1+ —
2nf,
This results in the magnitude response of A(S) being equal to
172
1
AGDI = | | | ( f )2 (4.32)
fo
An input signal, V,,(f), is a white noise source given by
V. = Vo, (4.33)
where V,,, is a constant. The total output noise rms value of V(f) is equal to
. = Viw . P\ Varfo
Viowms = [, — s df = Vil arctan(f—) - (4.34)
0”lo

2
)
fo
If this same input signal, Vi(f), is applied to the filter shown in Fig. 4.9(b), then
the total output noise rms value equals,

2 g2 2
Vbrick(rms) = J‘O Vnw df = Vnwfx (4.35)
Finally, equating the two output noise rms values, Viorrms) = Vbrick(rms)» results in
nfy
fy = 5 (4.36)

Thus, the noise bandwidth of a first-order, low-pass filter with a 3-dB bandwidth of f
equals x(f,/2)}. Note that, for the common case in which a first-order circuit is real-
ized by a capacitor, C, and the resistance seen by that capacitor, Ry, then
1
27R,,C

f, = (4.37)
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and the noise bandwidth is given by

¢ o1
¥ 4R, C

The advantage of knowing the noise bandwidth of a filter is that, when white
noise is applied to the filter input, the total output noise mean-squared value is easily
calculated by multiplying the spectral density by the noise bandwidth. Specifically, in
the first-order case just described, the total output noise mean-squared value,
Vio{,ms), is equal to

(4.38)

: T
V?\o[rms) = Vrzlwfx = Vﬁw(i]’o (4.39)

Similar results for noise-bandwidth relationships can be obtained for higher-order
and bandpass filters.

Piecewise Integration of Noise

Although simulation and computer techniques can analyze circuits or systems quite
precisely (depending on their modelling accuracy), it is often convenient to make
approximations that are useful in the early design stages. Such approximations are
particularty useful in noise analysis, where large inaccuracies occur naturally due to
such things as unknown parasitic effects and incomplete noise models. One such
approximation is the estimation of total noise by integrating over frequency with the
assumption that piecewise-linear Bode diagrams are exact. With such an approxima-
tion, integration formulas become much simpler when one needs only to integrate
under linear functions and add together the resulting portions. The following example
demonstrates this approach.

EXAMPLE 4.5

Consider an input noise signal, V,{f), being applied to the amplifier A(S), as
shown in Fig. 4.10. Find the output noise rms value of V,(f) above 1 Hz.

Solution
As shown, the output root spectral density, V,,(f), is determined by the addition
of the Bode diagrams for V(f) and A(8). To perform piecewise integration of
V,o(f), the frequency range is broken into four regions, N through N, as shown.
For the region N, the total mean-square noise is given by
2
N} = j‘lm@ df = 200° In(H), " = 1.84x 10°(nV)? (4.40)

In the region N5, we have

CH, 10" -
N3 = | 20° of = 20| ;) = 3.6x10°(nV)’ (4.41)
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Vil o3l As) —0 VoD

JHz
2
1 10 100 10° 10* 10° 10° 107
Frequency (Hz)
. 20
Aj2ah)|

(dB)

0—

-20

1 10 100 10° 10* 10° 108 107
Frequency (Hz)

-

200 ———
Vol \ -1 _1/fcurve

&

2

7

1 10 100 10° 10* 10° 10° 10
" Frequency (Hz)

- e >

N, N,

Fig. 410 Root spectral densities and amplifier curve example. V,(f} is the output noise that
results from applying an input signal with noise V,(f) to the amplifier A(s).

Region N, ramps up rather than down, resulting in

" 22 20 2
N§ _ j103 20°F df = [ = 1f3
10 (103)2 10 3

10*

= 1.33x 108(nV)* (4.42)

10°

Finally, for region N, we can use the noise bandwidth result of a first-order,
low-pass response and simply remove the noise portion resulting from under
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10* Hz. Specifically, we have,
= 2007 = 200°
NG =] J

= df = | df - | 200%df
10 f 2 [} f 2 0
1+ - 1+
10 10 _ (4.43)
= 2003@)105—(2002)(104) = 5.88 x 10°(nV)°

Thus, the total output noise can be estimated to be

Vioums = (NJ+ N2+ N3+ N2 = 77.5 v rms (4.44)

An interesting point to note here is that in the preceding example, N,=
76.7 uV rms is quite close to the total noise value of 77.5 UV rms . Thus, in prac-
tice, there is little need to find the noise contributions in the regions N,, N,, and N,.
Such an observation leads us to the 1/f noise tangent principle.

1/f Noise Tangent Principle

The 1/f noise tangent principle is as follows: To determine the frequency region or
regions that contribute the dominant noise, lower a 14 noise line until it touches the
spectral density curve—the total noise can be approximated by the noise in the vicin-
ity of the 1/f line |Kennedy, 1988]. For example, lowering a 1/f line toward the root
spectral density of V_,(f) in Fig. 4.10 indicates that the noise around 10° dominates.
The reason this simple rule works is that a curve proportional to 1/X results in equal
power over each decade of frequency. Therefore, by lowering this constant power/
frequency curve, the largest power contribution will touch it first. However, because
the integration of 1/X approaches infinity if either the upper bound is infinity or the
lower bound is zero, one must be careful in cases where the spectral density curve
runs parallel to a 1/f tangent line for an appreciable frequency span. For example,
consider once again Fig. 4.10, where the region N, runs parallel to the 1/f tangent
line. However, in this example, region N; does not contribute much noise since the
noise was only integrated above 1 Hz. It a much lower frequency bound is used, this
region can also contribute appreciable noise power.

4.3 NOISE MODELS FOR CIRCUIT ELEMENTS

There are three main fundamental noise mechanisms—thermal, shot, and flicker. In
this section, we discuss noise models for popular circuit elements where all three
mechanisms occur. However, first we briefly describe these noise phenomena.
Thermal noise is due to the thermal excitation of charge carriers in a conductor.
This noise has a white spectral density and is proportional to absolute temperature. It
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is not dependent on bias conditions (dc bias current) and it occurs in all resistors
(including conductors) above absolute zero. Thus, thermal noise places fundamental
limits on the dynamic range achievable in electronic circuits. It should be mentioned
here that thermal noise is also referred to as Johnson or Nyquist noise since it was first
observed by J. B. Johnson [Johnson, 1928] and analyzed using the second law of ther-
modynamics by H. Nyquist [Nyquist, 1928].

Shot noise was first studied by W. Schottky using vacuum-tube diodes [Schottky,
1918], but shot noise also occurs in pn junctions. This noise occurs because the dc
bias current is not continuous and smooth but instead is a result of pulses of current
caused by the individual flow of carriers. As such, shot noise is dependent on the dc
bias current. It can also be modelled as a white noise source. Shot noise is also typi-
cally larger than thermal noise and is sometimes used to create white noise generators.

Flicker noise is the least understood of the three noise phenomena. It is found in
all active devices as well as in carbon resistors,” but it occurs only when a dc current is
flowing. Flicker noise usually arises due to traps in the semiconductor, where carriers
that would normally constitute dc current flow are held for some time period and then
released. Flicker noise is also commonly referred to as 1/f noise since it is well mod-
elled as having a 1/f" spectral density, where o is between 0.8 and 1.3. Although
both bipolar and MOSFET transistors have flicker noise, it is a significant noise
source in MOS transistors, whereas it can often be ignored in bipolar transistors.

-

The major source of noise in resistors is thermal noise. As just discussed, it appears as

white noise and can be modelled as a voltage source, Vg(f), in series with a noiseless
- . - . 2 “

resistor. With such an approach, the spectral density function, V5(f), is found to be

given by

Vi = 4kTR (4.45)

K Y, T is the temperature in

where K is Boltzmann's constant (1.38 x 10
Kelvins, and R is the resistance size.

An alternate way to write (4.45) is to note that a 1-k€ resistor exhibits a root
spectral density of 4.06 nV/./Hz in thermal noise at room temperature (300 °K).
Since the root spectral density is proportional to the square root of the resistance, we

can also write

Va(h) = JE x4.06 nV/J/Hz for 27 °C (4.46)

Note that, to reduce the thermal noise due to resistors, one must either lower the
temperature or use lower resistance values. The fact that lower resistance values cause
less thermal noise becomes much more apparent when we look at KT/C noise in
capacitors later in this section.

4. Carbon resistors are not used in integrated-circuit design but are available as discrete elements,
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An alternate model can be derived by finding the Norton equivalent circuit. Spe-
cifically, the series voltage noise source, Vg(f), can be replaced with a parallel cur-
rent noise source, In(f), given by
V() _ 4kT

rR” R

i) = (4.47)

Both resistor models are summarized in Fig. 4.11.

Diodes

Shot noise is typically the dominant noise in diodes and can be modelled with a cur-
rent source in parallel with the small-signal resistance of the diode, as Fig. 4.1l
shows. The spectral density function of the current source is found to be given by

L6 = 2qlp (4.48)

where q is one electronic charge (1.6 X 107" C)and I is the dc bias current flow-

ing through the diode. The small-signal resistance of the diode, ry, is given by the
usual relationship,

_ KT
alp
Note that the Thévenin equivalent circuit can also be used, as shown in Fig. 4.11.

It should be noted here that the small-signal resistance, ry, is used for modelling and
is not a physical resistor; hence, ry does not contribute any thermal noise.

ry (4.49)

Bipolar Transistors

The noise in bipolar transistors is due to the shot noise of both the collector and base
currents, the flicker noise of the base current, and the thermal noise of the base resis-
tance. A common practice is to combine all these noise sources into two equivalent
noise sources at the base of the transistor, as shown in Fig. 4.11. Here, the equivalent
input voltage noise, V(f), is given by

1
Vi = 4kT(rb + —) (4.50)
29m
where the 1, term is due to the thermal noise of the base resistance and the g, term is
due to collector-current shot noise referred back to the input. The equivalent input
current noise, Ii(f), equals

KI I

L = 2q(IB +—2 4 —C ZJ @.51)
0]

where the 2qlg term is a result of base-current shot noise, the KIg/f term models

1/f noise (K is a constant dependent on device properties), and the I term is the
input-referred collector-current shot noise (it is often ignored).
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Element Noise Models
Resistor
R {Noiseless} - T . 4kT
%H V(D = 4kTR Rz Q==
(Noiseless)
Diode rg = LiN {Noiseless)
q D r, = ﬂ 2
‘{’ 2 *alF QL = 2al
Vgth = 2kTry )
(Forward biased) (Noiseless)
BJT Vi) V) = 4|<T(rb+2—;—j
_li (Noiseless) m
KI I
Active regi Lith it = ?—Q(IB + TB + == 2]
{Active region) B
Va(h L 2
MOSFET ; 5 Vo
—@®—F Ol —@—if; (Noiseless)
&
v Vi = —& Vi = 4kT(3]l+ K
{Active region) WLC, f 3/gm WLG,f
Ig(f) = 4|<T(E)g Simplified medel for
3/ m low and moderate frequencies

Qpamp

>

2 (f)

N (Noiseless) Vv, (h, I, (), 1.6
+ — Values depend on opamp

— Typically, all uncorrelated
vih Wi

i

Fig. 4.11 Circuit elements and their noise models. Note that capacitors and inductors do

nof generate noise.
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A couple of comments here are that the noise of ry, typically dominates in V(f),
and the base-current shot noise often dominates in the input-current noise, I (f).
Thus, the equivalent voltage and current noise are not derived from the same noise
sources. As a result, it is common practice to assume that the input voltage and current
noise sources in a bipolar transistor are uncorrelated.’

MOSFETS

The dominant noise sources for active MOSFET transistors are flicker and thermal
noise, as shown in Fig. 4.11. The flicker noise is modelled as a voltage source in
series with the gate of value

Vo) = ——— (4.52)

where the constant K is dependent on device characteristics and can vary widely for
different devices in the same process. The variables W, L, and C_, represent the
transistor’s width, length, and gate capacitance per unit area, respectively. An impor-
tant point to note here is that the 1/f noise is inversely proportional to the transistor
area, WL . In other words, larger devices have less 1/f noise. 1/f noise is extremely
important in MOSFET circuits, because it typically dominates at low frequencies
unless switching-circuit techniques are used to reduce its effect. Also, typically p-
channel transistors have less noise than their n-channel counterparts since their major-
ity carriers (holes) are less likely to be trapped. ~

The derivation of the thermal noise term is straightforward and is due to the resis-
tive channel of a MOS transistor in the active region. If the transistor was in triode,
the thermaql noise current in the drain due to the channel resistance would simply be
given by [y(H) = (4KT)/ry, where ry, is the channel resistance. However, when the
transistor is in the active region, the channel cannot be considered homogeneous, and
thus, the total noise is found by integrating over small portions of the channel. Such
an integration results in the noise current in the drain being given by

2 = 4kr@gm 4.53)

for the case Vg = Vgg— V1.

Often, noise analyses are done just by including this noise source between the
transistor drain and source. Sometimes, however, analysis may be simplified if it is
replaced by an equivalent input noise source. To find the equivalent noise voltage that
would cause this drain current, we note that the drain current is equal to the gate volt-
age times the transconductance of the device, or, mathematically, I4(f) = g, V(.

5. An exception to this is high-frequency designs in which the collector shot noise becomes more important
because, at high frequencies, B becomes small. In this case. the input current noise source is partially cor-
related with the input voltage noise source. If neither noise source dominates, then the correct analysis is

more difficult and beyond the scope of this text. Fortunately. this case is not often encountered in practice.
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Thus, dividing (4.53) by g; results in the simplified MOSFET model, also shown in
Fig. 4.11, where there is now only one voltage noise source. However, one should be
aware that this simplified model assumes the gate current is zero. Although this
assumption is valid at low and moderate frequencies, an appreciable amount of cur-
rent would flow through the gate-source capacitance, C,, at higher frequencies. In
summary, although most noise analysis can be performed using the simplified model,
if in doubt, one should use the model with the thermal noise placed as a current source
in parallel with the drain-source channel.

Finally, it should be noted that no gate leakage noise terms have been included in
this noise model since, in modern process, the gate leakage is so small that its noise
contribution is rarely significant.

EXAMPLE 4.6

A large MOS transistor consists of ten individual transistors connected in paral-
lel. Considering I/f noise only, what is the equivalent input voltage noise spec-
tral density for the ten transistors compared to that of a single transistor?

Solution

From (4.52), the 1/f noise can be modelled as a current source going from the
drain {o the source with a noise spectral density of

Kgi -~

() = —
ath) WLC,,f

(4.54)

where g,, is the transconductance of a single transistor. When ten transistors are
connected in parallel, the drain-current noise spectral density is ten times larger,

50 we have
10Kg:
o) = —m 4.55
da=10(f) WLC..f (4.55)
When this noise is referred back to the input of the equivalent transistor, we
have
10Kg?
Vizio(h) = - __K 4.56)

WLC,,fg2 _,, 10WLGC,,f

since the transconductance of ten transistors in parallel, g, . . is equal to
10 gy, - Thus, the drain current noise spectral density of the equivalent transistor
is ten times larger, but the input voltage noise spectral density is ten times
smaller. This result is expected because the input voltage noise source due to 1/f
noise is inversely proportional to the equivalent transistor area, which in this
case is 10 WL.
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[ . V2. | o V2 () R Lo V2 ()
= 2 T 2 . 2 2
V. (hignored: Vi, =0 [, ignored: V, =V, I .(fignored: Vi, = V;
2 2 ‘
Actual: Vi, =V, Actual: ) Actual: »
V2 = V2s (I, R) V2 = V2 (I,R)
(@) (b) (@

Fig. 4.12 Opamp circuits showing the need for three noise sources in an cpamp noise model.
Assume the resistance, R, is noiseless. Also, notation is simplified from V, (f) to V,, and so on.

Opamps

Noise in opamps is modelled using three uncorrelated input-referred noise sources, as
shown in Fig. 4.11. With an opamp that has a MOSFET input stage, the current noises
can often be ignored at low frequencies since their values are small. However, for
bipolar input stages, all three noise sources are typically required, as shown in
Fig.4.12. In Fig. 4.12(a), if V(f) is not included in the model, a unity-gain buffer
with no resistors indicates that the circuit output is noiseless. In fact, the voltage noise
source, V(f), dominates. If I, (f) is not included in an opamp model, the circuit
shown in Fig. 4.12(b) indicates that the output noise voltage equals V,(f) . Here, the
current noise may dominate if the resistance, R, is large. A similar conclusion can be
drawn with I,,(f), as shown in Fig. 4.12(c).

Capacitors and Inductors

Capacitors and inductors do not generate any noise. However, they do accumulate
noise generated by other noise sources. Here, we will see that the capacitor noise
mean-squared value equals kT/C when it is connected to an arbitrary resistor value.

Consider a capacitance, C, in parallel with a resistor of arbitrary size, R, as
shown in Fig. 4.13(a). The equivalent circuit for noise analysis is shown in
Fig. 4.13(b). To determine the total noise mean-squared value across the capacitor, we
note that V(f) is simply a first-order, low-pass, filtered signal with V(f) as the

R

R IC Vgf) = JakTR

@) (b)

Fig. 413 (q] Capacitor, C, in parallel with a resistor, ond {b} equivalent
noise model circuit.
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input. Therefore, we recognize that the noise bandwidth is given by (n/2)f; (see
Section 4.2, Eq. (4.36), and since the input has a white spectral density, the total out-
put mean-squared value is calculated as

2 1 n 1
Vioqms) = Vé‘(f)(i)"’ - “km)(i ZRRC)
(4.57)
v; g
no(rms} - C

In other words, the rms voltage value across a capacitor is equal to /kT/C, regard-
less of the resistance seen across it. Such a result is due to fact that small resistances
have less noise spectral density but result in a wide bandwidth, compared to large
resistances, which have reduced bandwidth but larger noise spectral density.

Finally, it should be stated that this noise property for capacitors gives a funda-
mental limit on the minimum noise level across a c:alpeu::itor.6 Thus, to lower the noise
level, either the temperature must be lowered or the capacitance value must be
increased.

EXAMPLE 4.7

Ataroom temperature of 300 °K , what capacitor size is needed to achieve 2 96-dB
dynamic range in an analog circuit with maximum signal levels of 1 V rms?

Solution -
The value of noise that can be tolerated here is 96 dB down from 1 V rms,
which is
v
Vn(,ms) = T = 158 pV rms (4.58)
Using (4.57), we have
C= ZkT = 16.6 pF 4.5%)
Vn(rms)

Thus, the minimum capacitor size that can be used (without oversampling) is
16.6 pF. The vse of this minimum capacitor size determines the maximum resis-
tance size allowed to achieve a given time constant.

Finally, it should be mentioned that the equivalent noise current mean-squared
value in an inductor of value L is given by (see Problem 4.9)
2 kT

;o(rms) = —L- (4.60)

6. Some feedback circuits can make the noise smaller but signal levels are also typically smaller (see
Problem 4.8).
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Sampled Signal Noise

In many cases, one should obtain a sampled value of an analog voltage. For example,
switched-capacitor circuits make extensive use of sampling, and sample-and-hold cir-
cuits are commonly used in analog-to-digital and digital-to-analog conversion.

Consider a basic sample-and-hold circuit, as shown in Fig. 4.14. When ¢,
drops, the transistor turns off and, in an ideal noiseless world, the input voltage signal
at that instance would be held on capacitance C . However, when thermal noise is
present, the resistance when the transistor is switched on causes the capacitance volt-
age noise to be equal to /KT/C. Thus, when the switch is turned off, the noise as
well as the desired signal is held on C. As a result, a fundamental limit occurs for
sampled signals using a capacitance C—an rms noise voltage of JkT/C.

It should be noted that this noise voltage will not depend on the sampling rate and
is independent from sample to sample. This fact suggests a method to reduce the
noise level of a signal measurement. Specifically, in the case where v;, is a d¢ (or
low-frequency) signal, taking only one sample results in a noise voltage of JkKT/C.
However, if many samples are taken (say, 1,000} and all samples are averaged, the
averaged value will have a reduced noise level. The reason this technique improves
the measurement accuracy is that, when individual sampled values are summed
together, their signal values add linearly, whereas their noise values add as the root of
the sum of squares. This technique is known as oversampling and will be discussed at
length with respect to oversampling converters in Chapter 14.

4.4 NOISE ANALYSIS EXAMPLES

In this section, a variety of circuits are analyzed from a noise perspective. Although
some useful design techniques for reducing noise are presented, the main purpose of
this section is to give the reader some experience in analyzing circuits from a noise
perspective.

Opamp Example

Consider an inverting amplifier and its equivalent noise model, as shown in Fig. 4.15.
Here, V (f), I (), and I ,(f) represent the opamp’s equivalent input noise, and the
remaining noise sources are resistor thermal noise sources. Note that current noise
sources are used in the models for R, and R;, whereas a voltage noise source is used
for R, . As we will see, these choices of noise sources simplify the circuit analysis.

Fig. .14 A sample-and-hold circuit.
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||C!
erf
R1 AWy
2 AAA
I —Q VO -_!_- — Vno(f)
R,
(a)
Fig. 4.15 [a) Low-pass filter, and (b] equivalent noise model.
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First, using superpasition and assuming all noise sources are uncorrelated, con-
sider the output noise voltage, Vnm(f) due only to 1,4, Iy, and I_. These three noise
currents add together, and their total current sum is fed into the parallel combination
of C; and R;. Note that no current passes through R, since the voltage across it is
zero due to the virtual ground at the negative opamp terminal (assuming a high-gain
opamp}. Thus, the output noise mean-squared value due to these three noise currents
is given by
2

R

Vir(H = [Ioq(h) + L) + b (]| D
T +j2nfR,C,

(4.61)

This equation indicates that thls part of the output noise value equals the sum of the
noise currents multiplied by Fif This noise portion is then shaped by a low-pass filter
with a 3-dB frequency equat to f, = 1/(2aR;Cy).

Using superposition further, the output mean-squared value, V,zm(f), due to the
three noise sources at the positive opamp terminal can be found as follows: By con-
verting 1, to a voltage source (by multiplying it by R, ), we see that the three noise
voltages are summed and are applied to the positive opamp terminal. Since the gain
from the positive opamp terminal to the output signal is easily found, the output noise
mean-squared value due to these three noise sources is given by

R./R,
1 +j2nfCR,

2

ViosH) = [I1OR5 + Vo, + VADHI| + (4.62)

This equation indicates that this part of the output noise mean-squared value equals
the sum of the noise voltages, and this noise portion is then shaped by the shown trans-
fer function. For this transfer function, if R;<< R, then its gain approximately
equals unity for all frequencies. Thus, for an ideal opamp, the noise would exist up to
infinite frequency, resulting in an infinite amount of mean-squared volts. However,
for practical circuits, the gain drops off above the unity-gain frequency of the opamp,
and thus the noise is effectively low-pass filtered. In the case where R;>> R, , the
low-frequency gain is roughly R;/R,, and its 3-dB frequency is the same as in the
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case of the noise sources at the negative opamp terminal (i.e., fy = 1/(2rR;Cy)).
However, in this case, the gain only decreases to unity and then remains at that level.
Treating the Bode plot as exact and noting that, above f;, the gain drops off at —20 dB/
decade, this transfer function reaches unity around f, = (R;/R)f,. Thus, one should
also include the opamp’s positive input noise (with a gain of one) integrated over the
region between f, and the unity-gain frequency of the opamp.

Finally, the total output noise mean-squared value is simply the sum

VI = Vigi(h) + Vi, (4.63)
or, if rms values are found,
Vio(rms) = Vﬁol(rms) + V?loZ(rms) (4.64)
EXAMPLE 4.8
Estimate the total output noise rms value for a 10-kHz low-pass filter, as shown
in Fig. 4.15, when C; = 160 pF, R; = 100k, R, = 10k, and R, = 9.1 k.
Also, find the SNR for an input signal equal to 100 mV rms . Assume that the
noise voltage of the opamp is given by V(f) = 20 nV /J/Hz, both its noise
currents are I.(f) = 0.6 pA/JHz, and that its unity-gain frequency equals
5 MHz .
Solution
Assuming the device is at room temperfture, the resistor noise sources are
equal to
I+ = 0.406 pA/JHz (4.65)
I, = 1.28 pA/JHz (4.66)
V., = 122 nV/J/Hz (4.67)

The low-frequency value of Vim(f) is found by letting f = ¢ in {4.61).

V2, ,(0) = [12,00) + I20) + I;_(0)]R}

(0.406% + 1.28% + 0.67)(1 x 107’ (100 k)° (4.68)
= (147 nV/JAz )’

Since (4.61) also indicates that this noise is low-pass filtered, the rms output
noise value due to these three sources can be found using the concept of a noise
equivalent bandwidth. Specifically, we multiply the spectral density by
(nfy) /2, where f, = 1/(2nR;C;). Thus,

I
4(100 k€2)(160 pF) (4.69)

2
Viotems = (147 nV/JHz)" x

(18.4 uvy*
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To estimate the output noise due to the sources at the positive opamp termi-
nal, we find V2_,(0) to be given by
Vaoa® = (I MRS + Vi + ViHI(1 + R/R,)’
(24.1 nV/JHz)’ x 112 (4.70)
(265 nV/J/Hz)’

This noise is also low-pass filtered at f; until f; = (R;/R,)f,;, where the noise
gain reaches unity and it remains until f, = 5 MHz (i.e, the unity-gain fre-
quency of the opamp). Thus, breaking this noise into two portions, and using
(4.38) to calculate the first portion, we have

)+ (24.1 x 10‘9)2(’5‘}“‘41)

It

-0 2
Vieairmsy = (265x107) (

4R,C (4.71)
= (74.6 pV)°
Thus, the total output noise is estimated to be
2 2
Vno(fms} = '\/Vnol(rms) +Vioarmsy = 77 LV rms (4.72)

It should be noted here that the major source of noise at low frequencies is
due to the opamp’s voltage noise, V().

To obtain the SNR for this circuit with a 100-mV rms input level, one can
find the output signal mean-squared value and relate that to the output noise
value. Alternatively, one can find the equivalent input noise value by dividing
the output noise value by the circuit’s gain and then relate the input signal and
noise mean-squared values. Taking the first approach results in an output signal
Ievel of 1 V rms, which gives an SNR of

SNR = 2010g( 1V ): 82 dB (4.73)
77 uv

Note here that using a lower-speed opamp would have reduced the total output
noise, as would choosing an opamp with a lower noise voltage. Also note that
R, contributes to the output noise through both its thermal noise and the noise
current of the opamp’s positive input. Since its only purpose is to improve the
dc offset performance, R, should be eliminated in a low-noise circuit (assum-
ing dc offset can be tolerated).

Bipolar Common-Emitter Example

In this example, we consider a bipolar common-emitter amplifier, as shown in
Fig. 4.16. Here, we wish to find the optimum bias current to minimize the equiva-
lent input noise of this amplifier (i.e., maximize the signal-to-noise ratio of the
amplifier).
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Fig. 4.16 A bipolar common-emitter amplifier.

We should state that it is assumed here that the collector-current shot noise domi-
nates in the input voltage noise source and the base-current shot noise dominates in
the input current noise source. Therefore, the input voltage noise due to the transistor
alone is given by

Vid) = 2kT/g,, (4.74)
and the input current noise due to the transistor alone is given by
) = 2qlg (4.75)

These assumptions are reasonable since usually 1/£ noise is not important for bipolar
transistors, and the collector shot noise is usually not a major component of the input
current noise source for wideband examples. Also, although the base resistance has
temporarily been ignored, it will be taken into account shortly by simply modifying
the size of the source resistance.

The first step is to replace the input current noise source by an input voltage
noise source. First, note that the gain from the base to the collector (ignoring the
transistor output impedance, r,) is equal to 9,,Rc, and the impedance looking
into the base is r, . Therefore, the output noise due to Iiz(f) is given by

Vi) = TOIRs Il 1)gmRc]’ (4.76)
Now the gain from the input voltage noise source to the output is given by
Vo M
AV = -\T. = r+ FlsngC @477

To represent the output noise due to the input current source by an equivalent input
voltage source, we have

rnRS R
2 ch;i(f) (rn"‘Hs)gm ¢ 2 2 3
VieaH) = — = p [y = LHRs {4.78)
v n R
(ro+ Rg)om
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We can now replace all noise sources by a single voltage noise source, which
includes the noise due to the input voltage noise source and the input current noise
source of the transistor, as well as the noise of the source resistor. We have

Vo jora(® = Vi) + Vi (D + 4kTRg 4.79)

The firstéwo terms represent the noise of the transistor and the third term represents
the noise of the source resistance. Using (4.74), (4.75), and (4.78), we have

Vizztoia|(f) = zgﬂ + quaﬂé +4KkTRg (4.80)
m
Substituting g, = qlc/(kT)and I = Ic/B, we find
2 2qlgRs
Vi torail = KT, 29 ® + 4kTRg (4.81)
qle B

The noise of the transistor base resistor can now be included by replacing Rg with
Rg + rp to obtain

2 2qlg(Rg + )’
V2 ) = 26T 29 c(As * fo) +4kT(Rg + 1) (4.82)
qlc
Alternatively, (4.82) can be expressed in terms of g, = G/ (kT) as in [Buchwald,

1995]

= (4.83)
29m 2B

These two equations are good approximations for most applications of bipolar com-
mon-emitter amplifiers. Notice in (4.82), the first term models the transistor base-cur-
rent shot noise and increases with increased bias current. However, the second term
{which models the transistor collector shot noise) decreases with increasing collector
bias current. Finally, the terms modelling the noise of the source resistor and the tran-
sistor base resistor are independent of the transistor bias current. To find the optimum
bias current, we differentiate (4.82) with respect to I and set the result to zero. This
yields the rather simpie result of

R.+r)
Vf= torai(§) = 4kT{F{S +1,+ L + M}

kT /B

E-Fi5+rb

C=opt = (4.84)

or, equivalently,

/B

4.85
Rg+ry, ( )

Om-opt =

EXAMPLE 4.9

Consider the common-emitter amplifier shown in Fig. 4.16, where R =
10 kQ, C; = 1 pF, Rg = 500 Q, B = 100, and the base resistance is given
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by r, = 300 Q. At room temperature, (i.e. 300 °K), find the optimum bias
current and the total equivalent input noise.

Solution
Using (4.84), we find

~100

Lo ooy = 0.026 X ——— = 0,325 mA 4.86
G = opt 500 + 300 (4.86)
implying that
Ic
On = = = 12.5 mA/V (4.87)
.

To find the output noise spectral density, we now use (4.83) to find

V2 (D) = 4KT(500 + 300 + 40 + 40) = 146 x 1077 V*/Hz (4.88)

Notice that the noise due 1o the source resistance dominates, even though the
source resistance is moderately small. Even for no source resistance, the thermal
noise due to the base resistance would still dominate. Thus, for a very low source
resistance, the major way to improve the noise is to minimize the base resistance
by using larger transistors (or to combine a number of parallel transistors).

Assuming the RC time constant at the collector dominates the frequency
response, the noise bandwidth of the amplifier is given by

(o
* 4R.Cc

resulting in the total input-referred voltage noise given by

= 25 MHz (4.89)

Vni(rms) = [fx\'{izz1c>tal(f)]”2 = 19.1 “V (4.90)

CMOS Example

In this example, we look at the input circuitry of a traditional two-stage CMOS opamp,
as shown in Fig. 4.17. Note that each of the transistors have been modelled using an
equivalent voltage noise source, as presented in Fig. 4.11. Voltage noise sources are
used here since we will be addressing the low-frequency noise performance of this
stage. It should be mentioned here that in the following derivations, we have assumed
matching between transistor pair Q, and Q, as well as in pair Q; and Q,.

We start by finding the gains from each noise source to the output node, V,, . The
gains from V,, and V,, are the same as the gains from the input signals, resulting in
Vno V!‘IO

Vol {Vn2

= g R (4.91)

.

where R, is the output impedance seen at V.
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Vn1
Vi o—®—| Q, Q, |—®—o Vin
Vi Voo (Output)

Q, |.®___®.| Q,

VSS

Fig. 417 A CMOS input stage for a fraditional opamp
with MOSFET noise sources shown.

Next, for V,,;, notice that the current through this voltage source must be zero
because one side is connected to the gate of Q5 only. Therefore, assuming all other
sources are zero, the drain current is unaffected by V5. This implies that the gate
voltage of Q5 is also unaffected by V ;. Therefore, in the small-signal model, V  is
equal to V¢4, and the gain from V,; to the output is the same as the gain from V,, to
the output. Thus, we have
VI\O

Vo

Vno

Vi

= Om:Ro (4.92)

-

Finally, the noise gain from V5 to the output can be found by noting that it mod-
ulates the bias current and the fact that, due to the symmetry in the circuit, the drain of
Q, will track that of Q, . As a result, the last gain factor is given by

Vno -

Vis

Ims (4.93)
29m3

Since this last gain factor is relatively small compared to the others, it will be ignored
from here on.
Using the gain factors just shown, the output noise value is seen to be given by

Voo = 2(9miRo) Vi (h) + 2(GmiR,) Vas(h (4.94)

This output noise value can be related back to an equivalent input noise value,
Veqlf), by dividing it by the gain, g, R,, which results in

2
Vaeg = 2V, + 2%0‘)(?) (4.95)
mi
Thus, for the white noise portion of V() and V;(f), we make the substitution
Vi = 473 - (4.96)
3 mi
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resulting in

2
Vie = (E )kT(L} [EJRT[QE) [L] (4.97)
3 Imi 3 9m1/ \Gm3
Assuming Qms/ Qm; 18 not far from unity, we see here that the two pairs of transistors
contribute an approximately equal amount of noise, and this noise is inversely propor-
tional to the transconductance of G, . In other words, G, should be made as large
as possible to minimize thermal noise contribution.

However, to look at the effects of 1/f, or flicker, noise, which normally greatly
dominates at low frequencies, we make the following substitution into (4.95),

W
Omi = zuicox(t)loi (4.98)

resulting in

W/L),u
Vi = 2V2 (0 + 2Viy(h| el Dt 4.99
nih) n(h n3) WD, (4.99)
Now, letting each of the noise sources have a spectral density given by
Vi = ——— 4.100
0" WG o
we have [Bertails, 1979) =
K Hn Y KiL
Vi = | +[—"I - ‘2] (4.101)
CDKf W]Ll l‘l’p W]L3

Recall that the first term in (4.101) is due to the p-channel input transistors, Q,
and Q,, and the second term is due to the n-channel loads, Q; and Q,. We note
some points for 1/f noise here:

1. For L, = L;, the noise of the n-channel loads dominate since L,> |, and
typically n-channel transistors have larger 1/f noise than p-channel transis-
tors (ie., Ky > K)).

2. Taking L, longer greatly helps due to the inverse squared relationship in the
second term of (4.101). This limits the signal swings somewhat, but it may be
a reasonable trade-off where low noise is important.

3. The input noise is independent of W, and therefore we can make it large to
maximize signal swing at the output.

4. Taking W, wider also helps to minimize 1/f noise. (Recall that it helps white
noise, as well)

8. Taking L, longer increases the noise because the second term in (4.101) is
dominant. Specifically, this decreases the input-referred noise of the p-channel
drive transistors, which are not the dominant noise sources, but it also increases
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the input-referred noise of the n-channel load transistors, which are the dom-
inant noise sources!

Finally, we can integrate (4.101} from f, to f, to find the equivalent input noise
value given by

Vil % g [ﬁI ol ) (4.102)
nigrms) — n S .
WL, Up W, L3
where
K t
a = — In| = 4.103
I Cox fl ( )

Fiber-Optic Preamp Example

The most popular means of detecting light from a fiber-optic cable is to use a
transresistance amplifier, as shown in Fig. 4.18. The lLight from the fiber cable hits a
photodetector, such as a reverse-biased diode. The light produces electron hole carriers
in the depletion region of the reverse-biased diode, causing current to flow through the
resistor, and therefore the output of the amplifier becomes positive. A popular choice
for the first stage of the amplifier is to use a common-source amplifier with a resistor
load. In low-noise applications, an active load would be too noisy. Assuming a CMOS
transistor is used,’ the preamp can be modelled as Shown in Fig. 4.19. The photodetec-
tor is modelled as an input current source along with a parasitic capacitance, C;, . Also
shown in Fig. 4.19 are the two major noise sources, namely the thermal current noise
at the drain of Q, and the thermal noise from the feedback resistor, R . The 1/f noise
of the transistor is ignored because it is assumed that the circuit is high speed, such that
thermal noise dominates. The second (and perhaps subsequent) stage is modelled by an
amplifier that has a gain of A, . The noise due to this second stage is also ignored since
the noise sources in the second stage are not amplified by the gain of the first stage.

R

My
L
—o Vou
Y § ey 4
Fiber-optic cable —

Fig. 4.18 A fiber-optic transresistance preamp.

7. Fiber-optic preamps are often realized using JFET transistors as well, but since their thermal noise model
is identical to the noise model of the CMOS transisior, the analysis would be almost unchanged.
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L 12 = 4kT/R

—0 Vout

»—T—1 ® 15 = w75k
o = =

Fig. 4.19 A simplified model for a CMOS fiber-optic preamp.

A simplified small-signal model of this preamplifier, used for noise analysis, is
shown in Fig. 4.20. The only parasitic capacitance considered in the transistor model
is Cgs ., since the gain of the first stage is only moderate, due to the resistor load, and
therefore we can assume that Cyq and Cyy can be ignored. The transfer function from
i, to the output is found by using nodal analysis to be

Vout(s) - R ( AV \ |
- F

Lin(s) 1+ AVJ ReCr
1+ s[—-—l Ay

(4.104)

where A, = A A, is the total voltage gain of the preamp and C; = Cyo + Cj. It is
also found that this is the same transfer function from Iz to the output. Thus, the
noise current source Ié can be replaced by an input current noise source having a
spectral density of 4kT/Rg. In a typical design, one would choose R as large as
possible to limit this noise. However, this choice is constrained by the bandwidth
requirements of passing the signal frequencies. From (4.104), we have the —3-dB fre-
quency of the amplifier, given by

1+Ay

w = ——— 4.105
S W ( )

For a given amplifier gain and detector capacitance, Rg is chosen using (4.105) to
place the —3-dB frequency as small as possible without substantially attenuating the
signals. This makes the dominant node for determining stability the input node. The
bandwidth of the second amplifier must be substantially greater than that of the input
node to guarantee stability. Unfortunately, this constraint greatly amplifies the ther-
mal noise due to input transistor Q,, as we will see next.

The gain from the noise source I% to the output is found by using nodal analysis
to be
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Vy

Fig. 420 A simplified small-signal model used for noise analysis.

Vout(s) _ L AV 1+SRFCT
ID(S) gl‘h1 +AV] |: RFCT :|
+

(4.106)
S e
(1+Ay)

At low frequencies, this gain is approximately given by 1/g,,, whereas at high fre-
quencies it is as much as 1 + Ay, times greater. Thus, the high-frequency output noise
due to Q, is much greater than the low-frequency noise due to Q,. Furthermore, the
only bandwidth limitation of this noise at high frequencies is due to the finite band-
width of the second amplifier, A, . From the discussion on compensation in Chapter 3,
we know the second pole frequency of the amplifier must be almost four times greater
than the closed-loop —3-dB frequency when lead compensation is not used.’

Continuing, in order to refer the noise due to Q, back to the input, we use (4.104)
and (4.106) to obtain

In® = I5h (4.107)

» 1+ 0 (ReCp)’
Im(.l('n) ’2 - Ié(f) F 2T
Vout(JW) (gmHF)

Vv:}ul(jw)‘2
Ip(jw)

We use
Ihf = 4kT(§)gm (4.108)

and we add to this the input noise source that models the noise of the feedback resistor
to obtain the total input-referred noise, given by

Ly = KT 4kT(
R

F

1+ 0’ (ReCy)
2)LFT) (4.109)

3/ g.Rf

Notice that the second term starts to quickly increase at a frequency of

8. Lead compensation could possibly be achieved by placing a capacitor in parallel with R . This is
beyond the scope of this text.
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w
0, = — = Do (4.110)
ReCr 1+A,
which is a relatively low frequency.
Continuing, normally 2/(39,,Rg)} << 1, and we have
AKT w'C
I’y = ——[H 2 }+@ !
Re 39,Re 3 Om
s (4.111)
. 4KT 8kTw G
B F*F 3 Om
Using the facts that
w
Im = uncoxrveff (4.112)
and that
2
Cos = 3CaWWL (4.113)
we can write (4.111) as
2 Cos+Cin)’
Ly = AT 16r L 2o+ Cin) (4.114)

I:}F 9 aneff Cgs

Normatly, V4 is taken as large as possible given power-supply-voltage and power-
dissipation constraints. The only parameter left for the designer to choose is the width
of the input transistor and, therefore, Cgs . It can be shown (by differentiating the sec-
ond term of (4.114) with respect to Gy, and then setting the result to zero) that the
second term of (4.114) is minimized by the choice C4; = C,;, in which case we have

2 1 4 L
L) = 4kT| — + - »°C; (4.115)
[RF 9unve1f n]
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4.6 PROBLEMS

Unless otherwise stated, assume dBm values are referenced to 50 Q.

4.1 If asignal is measured to have Vg volts, what is the difference in db if it is
expressed in dBm referenced to 50 £ as opposed to being referenced to 75 Q ?

4.2 Consider the sum of two noise sources of values —~20 dBm and —-23 dBm .
Find the total noise power in dBm for the cases in which the two noise sources
are (aj uncorrelated, (b)) C = 0.3,{c) C = +1,and (d) C = —1.

4.3 The output noise of a circuit is measured 1o be —40 dBm around 100 kHz
when a resolution bandwidth of 30 Hz is used. What is the expected dBm
measurement if a resolution bandwidth of +0 Hz is used? Find the root spec-
tral density in V/J/Hz.

4.4 At 0.1 Hz, alow-frequency measurement has a noise value of =60 dBm when
aresolution bandwidth of 1 MHz is used. Assuming 1/f noise dominates, what
would be the expected noise value (in dBm) over the band from 1 MHz to
1 Hz?

4.5 Show that, when two resistors of values R, and R, are in series, their noise
model is the same as a single resistance of value R, + R, . Repeat the problem
for parallel resistances.

4.6 Sketch the spectral density of voltage noise across a 100-pF capacitor when it
is in paratlel with a 1-kQ resistor. Make another sketch for the same capacitor
but with a 1-MQ resistance in parallel. What can you say about the area under
the curves of the two sketches?

4.7 Consider the circuit shown in Fig. P4.7 on p. 218, where the opamp has a
unity-gain frequency of 1 MHz and equivalent input voltage and current noise
sources of V() = 20 nV/./Hz and [(f) = 10 pA//Hz, respectively. Esti-
mate the total rms noise voltage at V.

4.8 Assuming an ideal noiseless opamp, find the noise level at V, and V for the
opamp circuit shown in Fig. P4.8. By what factor is the noise value at V,
larger {or smaller) than kT /1 nF? How do you account for this increase (or
decrease)? Also explain why the noise value at V, is smaller than KT/ 1 nF.
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1 nF Opamp
20 & V.6 = 20 nV/J/Hz
10 k v L.(H =1 (H = 10 pA//Hz
- f, = 1 MHz
Fig. P47
1"nF
R
1k V AWy Ideal noiseless opamp
X
A oV,

Consider an inductor of value L and an arbitrary resistor in parallel, as shown
in Fig. P4.9. Show that the current noise, i,,(t), has a noise value given by

I _ ﬂ' -
no(rms} L

Fig. P4.9

The two circuits shown in Fig. P4.10 realize a first-order, low-pass filter.
Assume the opamps are ideal and noiseless.

(@) Show that the two circuits have the same input-output transfer function.

(b) Estimate the total output noise for circuit I, using only dominant noise
sources.

{c) Repeat (b} for circuit 1.

Modify circuit I in Fig. P4.10 such that the new circuit has the same transfer
function but uses an 80-pF capacitor instead of an 80-nF capacitor. If the
opamp is ideal and noiseless, what is the new total output noise?
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Fig. P4.10

4.12 Using the 1/f tangent principle, estimate the total noise above 0.1 Hz for the
spectral density shown in Fig. 4.3.

4.13 Consider a bandpass amplifier that has equivalent input noise root spectral den-
sity and amplifier response, as shown in Fig. P4.13. Sketch the root spectral
density for the output signal. Estimate the total output rms noise value by
applying the 1/f tangent principle.

Equivalent input noise spectral density: (nV//Hz)

10 \\ 40
N
1.0 \\ 4.0 -
0.1 \—. 0.4

.04
001 04 10 10 100 1k 10k 100k00 001 0.t 10 10 100 1k 10k 100k
Frequency {Hz) Frequency (Hz)

Bandpass amp gain

Fig. P4.13

4.14 Consider the noise root spectral density of the signal shown in Fig. P4.14. Find
the total rms noise value using a graphical approach for 0.01 to e« Hz. Com-
pare your result with that obtained when using the 1/f tangent principle.,

4.15 We saw on page 193, Eq. (4.36), that the noise bandwidth of a first-order, low-

pass filter is (n/2)f,. Show that the noise bandwidth of a second-order, low-
pass filter given by

A(s) = %
(1 * (ano))

is equal to (m/4)f,.
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v, 100 .\
(.____“V ) 10
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Frequency (Hz)
Fig. PA.14

4.16 Consider the two bipolar current mirrors shown in Fig. P4.16, where I;, is a
1-mA bias current plus a 100-UuA(rms) signal current. Assuming that the base
resistance for each transistor is r, = 330 Q and dominates the output noise,
estimate the resulting SNR (in dB) for the two current mirrors over a 50-MHz
bandwidth (also assume the output noise is white).

Iin Taut
Lin ¢ Iout ¢
B = 100
B = 100
200 Q 200 Q
(a) (b)
Fig. P4.16

4.17 Estimate the total output noise rms value for a low-pass filter, as shown in Fig.
4.15,when C; = 1 nF,R; = 16k, R, = 1.6 k,and R, = 0. Also, find the
SNR for an input signal equal to 100 mV rms. Assume that the noise voltage
of the opamp is given by V (f) = 20 nV/./Hz, that both its noise currents are
I = 0.6 pA/JITz, and that its unity-gain frequency equals 2 MHz. '

4.18 Consider the CMOS differential input stage shown in Fig. 4.17, where- Q5 sup-
plies a bias current of 100 pA | resulting in g, = gmy = 1 MA/V and
Oms = Oms = 0.5 mA/V. Find the equivalent input noise spectral density
associated with thermal noise. If the bias current is doubled, how does the
equivalent input noise density change?
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CHAPTER

S

Basic Opamp Design
and Compensation

This chapter describes the fundamental principles of basic opamp design. To illustrate
many of these principles, the design of a traditional opamp—namely, the two-stage
CMOS opamp—is used. This example illustrates compensation techniques needed to
ensure stability in closed-loop amplifiers as well as to introduce 2 number of other
important design techniques, such as ensuring zero systematic input-offset-voltage
and process-insensitive lead compensation. Although the two-stage CMOS opamp is
a classic circuit used in many integrated circuits,-other more modern architectures
have gained popularity recently. These more advanced architectures are described in
Chapter 6. However, one should not overlook the potential of the two-stage opamp
because fully-differential versions of this classic opamp are well-suited to low-
voltage applications since they do not require cascode output stages. Fully-differential
opamps are also described Chapter 6.

5.1 TWO-STAGE CMOS OPAMP

The two-stage circuit architecture has historically been the most popular approach for
both bipolar and CMOS opamps, where a complementary process that has reasonable
n-type and p-type devices is available. Although a CMOS version of this two-stage
opamp is described here, a bipolar version is similar (but slightly more complicated).
When properly designed, the two-stage opamp has a performance very close to more
modern designs and is somewhat more suitable when resistive loads need to be
driven.! Furthermore, it is an excellent example to illustrate many important design
concepts that are also directly applicable to other more modern designs.

A block diagram of a typical two-stage CMOS opamp is shown in Fig. 5.1. “Two-
stage” refers to the number of gain stages in the opamp. Figure 5.1 actually shows
three stages—two gain stages and a unity-gain output stage. The output buffer is nor-
mally present only when resistive loads need to be driven. If the load is purely capac-
itive, then it is seldom included. The first gain stage is a differential-input single-
ended output stage, often very similar to that shown in Fig. 3.19. The second gain
stage is normally a common-source gain stage that has an active load, often very sim-
ilar to that shown previously in Fig 3.4. Capacitor C, is included to ensure stability

1. In a CMOS integrated circuit, opamp loads are often, but not always. purcly capacitive,

y/4
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Ccmp
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I

———— e e

Differential Second Output
input stage gain stage butfer

Fig. 5.1 A block diagram of a two-stage opamp.

when the opamp is used with feedback. Because C is between the input and the out-
put of the high-gain second stage, it is often called a Miller capacitance since its effec-
tive capacitive load on the first stage is larger than its physical value.

An example of a practical CMOS version of the two-stage opamp is shown in
Fig. 5.2. This example is used to illustrate many of the important design principles
when realizing the two-stage amplifier.

It should be noted that the first stage has a p-channel differential input pair with
an n-channel current-mirror active load. This is a complementary differential gain
stage to that shown previously in Fig. 3.19. The trade-offs between having p-channel
input transistors versus this stage and the alternative stage of Fig. 3.19 will be dis-
cussed later in this section. Also, the numbers next to the transistors represent reason-
able transistor widths for a 1-um process. Reasonable sizes for the lengths of the
transistor might be somewhere between 1.5 and 2 times the minimum transistor length

Q5 VDD 06
25 e300 %I--f300
T w0
+—
Qg
_Q Q
25 Vin °"]|: 300 300 JFo Vin Vou
Qe gk C
2 _3‘|'__“___L
300 500
150 E“—"—‘il:# 50 ——‘&—_{E
Qa Q, Ves Q, Qy
Bias circuitry Differential-input Common-source Output
first stage second stage buffer

Fig. 5.2 A CMOS redlization of a two-stage amplifier. All transistor lengths are 1.6 pm.
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of a particular technology, whereas digital logic typically makes use of the minimum
transistor length.

Opamp Gain

First we discuss the overall gain of the opamp. For low-frequency applications, this
gain is one of the most critical parameters of an opamp.

The gain of the first stage has already been derived, resulting in (3.70), and is
repeated here for convenience:

Avl = Omillgs2 I Fds4) (5.1)
Recall from Chapter 1 that g, is given by

w W Ly
gml = N/zupcox(r]lIDl = Ajzupcux[rl ;S (5.2)

Also, an approximation to the finite output impedance, rg;, of transistor Q; is given
by

L.
Fasi = aI—D'_m A (5.3)
i .
where o is a technology-dependent parameter of around 5 x 10° JV/m. This equa-
tion is at best approximate and ignores all shert-channel effects that become more
important for shorter channel lengths in modern technologies.

The second gain stage is simply a common-source gain stage with a p-channel
active load, Q. Its gain is given by (—gm7){(Tase |l Fgs7)- Thus, we have

sz = ~Om+(Tase I Tas7) 5.4

The third stage is a common-drain buffer stage. This stage is often called a source
Jfollower, because the source voltage follows the gate voltage of Q. except for a
level shift. As shown, the substrate of Qj is at the same voltage as the source of Q.
This connection is only possible when Qj is realized in a well that is isolated from the
bulk. Thus, for this example opamp, one would require a p-well or twin-well process
to realize this output stage. Tying the substrate of Qg to its source eliminates gain
degradations due to the body effect. This connection also results in a smaller dc volt-
age drop from the gate to the source of Qg, which is a major limitation on the maxi-
mum positive output voltage. As Chapter 3 shows, the gain of this source-follower
stage is given by

_ ng
vi = G
L+ Oms + 9gss + Jaso

where G is the load conductance being driven by the buffer stage. When it is not
possible to tie the substrate of Qg to its source, as is the case when an n-well process is
used (currently, a popular process), then the gain of the buffer stage is given by

(5.5)
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A, = Ims (5.6)
G + Qg + Jss + Juss + Jaso

where @, is a body-effect conductance and is given by

g = _ Om¥ (5.7)

2 Vg + 20

Voltage Vgg is the source-to-substrate (or bulk) voliage, y is the body-effect con-
stant (around 0.5 V'"?), and 29 is twice the difference between the Fermi level in
the bulk and the Fermi level of intrinsic silicon (around 0.7 V). Thus, g, is around
gm/ 3.

EXAMPLE 5.1

Find the gain of the opamp shown in Fig. 5.2 using the following assumptions.
Assume the bias current of the input differential pair is givenby Ips = 100 pA,

the power supplies are Vg = —Vgg = 2.5 V, and Ry = 10 kL. Also assume
the following process parameters: HnCoy = 3U,Cox = 96 PA/VY, ¥ =
05V'"?, 6p =035V, a=5x10° JV/m, and Vy, = -V,, = 08 V. To
estimate output impedances, assume the drain-to-gate voltages of the first-stage
transistors equal 0.5 V, whereas the transistors in the second and third stages
have Vpg; = 1 V. Fmally, do not assume the substrate of Qq is connected to its
source—rather, assume it is connected to the negative power supply.

Solution
First the bias currents are calculated. Since I5s = 100 pA | we have
Ipy = Ipa = Ips = Ips = Ips/2 = SO pA
Ipg = Ip; = (We/Wy)lps = 100 pA

and

Ips = Ipg = (Wg/w7)1m

~ We can now calculate the transconductances of Q;, Q,, Q;. and Q. Using
(5.2), we have gy, = Gm> = 0.775 mA/V, g7 = LY9O mMA/V, and gy =
3.16 mA/V.

Next, we need to estimate the output impedances of the transistors. To find
these impedances, we use (5.3) together with the given approximations that the
first-stage transistors have Vg = 0.5 V whereas the transistors in the other
two stages have drain-to-gate voltages of | V. It should be mentioned here that
these very rough drain-gate voltage approximations are reasonable since (5.3) is
only of very moderate accuracy, perhaps 50 percent at best. These values for the
transistor output impedances can be corrected later once a SPICE analysis is
run. With the use of (3.3). we find that all of the transistors in the first stage have
output impedances of

167 LA
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las1 = fasz = Tas3 = Tyss = 182 kQ2
The output impedances of transistors in the second stage are
Mis¢ = Tgs7r = 107 k2
whereas the output impedances of transistors in the output stage are
Fass = Fgsg = 64 kQ

The last parameter we need to calculate is the body-effect conductance of
Qg. Using (5.7) and assuming V,, is at ground results in Vggg = 2.5 V, and
thus we have gg; = 0.44 mA/V,

Finally, using (5.1), we calculate that

Avl = OmiTas2 H Fysa) = 702 V/V
Using (5.4),

Avz = ~Om7(Tass I Tas7) = -102 V/V
And using (5.6),

- Oms
B GL + Qe + Oss + Jgss + gd59

Thus, the total gain is equal to A, A,,A,; = -6,090 V/V. Once again, it
should be mentioned here that this result is a rough approximation and should be
verified using SPICE. The benefit of performing the hand calculations is to see
how the gain is affected by different design parameters.

= 0.85 V/V

v3

Frequency Response

We now wish to investigate the frequency response of the two-stage opamp at fre-
quencies where the compensation capacitor, C, has caused the magnitude of the
gain to begin to decrease, but still at frequencies well below the unity-gain frequency
of the opamp. This corresponds to midband frequencies for many applications. This
allows us to make a couple of simplifying assumptions. First, we will ignore ali
capacitors except the compensation capacitor, Cc, which normally dominates at all
frequencies except around the unity-gain frequency of the opamp.? Second, we also
assume that transistor Q4 is not present. This transistor operates as a resistor, which
is included to achieve lead compensation and it has an effect only around the unity-
gain frequency of the opamp, as we will see when we discuss compensation in Section
5.2. The simplified circuit used for analysis is shown in Fig. 5.3. It is worth mention-
ing that this simplified circuit is often used during system-level simulations when
speed is more important than accuracy, but aspects such as slew-rate limiting (see
next subsection) should be included in the simulation.

2. Recall that the unity-gain frequency of an opamp is that frequency where the magnitude of the open-loop
opamp gain has decreased to one.

238 of 720




226  Chapter 5 @ Basic Opamp Design and Compensation

Qs
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S = 9n ¥

Qs Q,

Fig. 53 A simplified model for the opamp used to find the midband fre-
quency response.

The second stage introduces primarily a capacitive load on the first stage due to
the compensation capacitor, C;. Using Miller's Theorem [Sedra, 1991], one can
show that the equivalent load capacitance, C., at node v, is given by,

Ceq = Cc(l + A2) = ecA2 (58)
The gain in the first stage can now be found using the small-signal model of Fig. 3.20,
resulting in

vy

Ay=— = _gm1zout1 (5.9)
Vin
where
1
Zouty = Tasz |l Tysa ”@ (5.10)

For midband frequencies, the impedance of Ceq dominates, and we can write

1 1
Z = — = 5.11
T 8Chq  SCcA, G0
For the overall gain, we have
v Im1
ALS) = —= = AAA, = AA,—— 5.12
(8) v, LLak el 3 ZSCCAQ (5.12)

using (5.9) and (5.11). If we further assume that A, = 1, then the overall gain, given
in (5.12), simplifies to
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Om1

SCC

This simple equation can be used to find the approximate® unity-gain frequency. Spe-
cifically, to find the unity-gain frequency, @y, we set |[Ajm,,)| = 1, and solve for
4g. Performing such a procedure with (5.13), we obtain the following relationship:

As) = (5.13)

= 9m

Ce
Note here that the unity-gain frequency is directly proportional to g, and inversely
proportional to C.

O (5.14)

EXAMPLE 5.2

Using the same parameters as in Example 5.1, and assuming C, = 5 pF, what
is the unity-gain frequency in Hz?

Solution
Using g, = 0.771 mA/V and (5.14), we find that
-3
0 = X0 540 Mradss
5x10™

Thus, we find that f,, = w,,/(2n) = 24.5 MHz.

Slew Rate

Another important high-frequency parameter of an opamp is its slew rate. The slew
rate is the maximum rate at which the output changes when input signals are large.
When the opamp of Fig. 5.2 is limited by its slew rate because a large input signal is
present, all of the bias current of Qs goes into either Q or Q,, depending on whether
v, 15 negative or positive. When v, is a large positive voltage, the bias current, I,
goes entirely through Q, and also goes into the current-mirror pair, Q;, Q. Thus, the
current coming out of the compensation capacitor, Cg, (i.e., I ) is simply equal to
Ips since Q, is off. When v, is a large negative voltage, the current-mirror pair Q,
and Q, is shut off because Q, is off, and now the bias current, I, goes directly into
Cc. In either case, the maximum current entering or leaving Cq is simply the total
bias current, Is.

Defining the slew rate, SR, to be the maximum rate that v, can change, and
recalling that v, = v,, we have

3. It is approximate because it is assumed that Ay = 1 and that the higher-frequency poles are being
ignored. Both of these effects will cause the unity-gain frequency to be slightly smaller than that calculated.

240 of 720




228  Chapter 5 * Basic Opamp Design and Compensation

SH - dvoul - ICC|max - IE
o dt Ce Cc

max

(5.15)

where we used the charge equation q = CV, which leads to I = dq/dt =
C(dV/dt). Since [55 = 2Ip;, we can also write
21
SR = -2
Ce

where I, is the original bias current of Q, with no signals present. Also, using
(5.14), we have G = @,,;/ 5, and substituting this into (5.16), we have

(5.16)

2lp0
SRp=_2% (5.17)
Om:
Recalling that
G = [2:Car( T | o (5.18)
1
we finally have another relationship for the slew-rate value.
21,
SR = Wi = Vo Wa (5.19)
Jzupcox(W/L)llDl
where

-

Vo = 2Io, (5.20)
effl — IJpCox(W/I—)l -

from Chapter 1. Normally one has little control over ,,, assuming a given maxi-
mum power dissipation is allowed. It is usually constrained to be less than two-thirds
of the second-pole frequency, as we will see in Section 5.2, on compensation. As a
result, the only ways of improving the slew rate for the two-stage CMOS opamp is to
increase Vg4, Mya, Or both. As we will soon see, obtaining a high slew rate and
unity-gain frequency are two of the major reasons for choosing p-channel input tran-
sistors rather than n-channel input transistors. It should be mentioned here that
increasing Vg, lowers the transconductance of the input stage. Although increasing
Vg1 helps to minimize distortion, a lower transconductance in the first stage
decreases the dc gain and increases the equivalent input thermal noise (see Chapter 4,
Section 4.4).

EXAMPLE 5.3

Using the same parameters as in Example 5.1, and assuming C = 5 pF, what
is the slew rate? What circuit changes could be made to double the slew rate but
keep ey, and bias currents unchanged?
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Solution
From (5.16), we have
2x50 pA
S pF
To double the slew rate while maintaining thé same bias currents, Ce
should be set to 2.5 pF. To maintain the same unity-gain frequency, g,

should be halved, which can be accomplished by decreasing the widths of Q,
and Q, by 4 (i.e., one could let W, = W, = 75 um).

SR = = 20 V/us (5.21)

Systematic Offset Voltage

When designing the two-stage CMOS opamp, if one is not careful, it is possible that
the design will have an inherent (or systematic) input-offset voltage. Indeed, this was
the case for many of the original designs used in production microcircuits. To see
what is necessary to guarantee that no inherent input-offset voltage exists, consider
the first two stages of the opamp, as shown in Fig. 5.4. To ensure that no systematic
input-offset voltage exists, when the differential input voltage is zero (i.e, when
Vi, = Vi), the output voltage of the first stage, Vg9, should be that which is
required to make [y, equal to its bias current, I, Specifically, the value of Vgg,

should be given by
[ 2Ipe
v = |—— +V 5.22
GS7 LCo WLy, TV (5.22)

Q V Q
"":300 po f
Viiast 0— [+ 300
Q, . Q,
Vin_ O-It 300 300 jI-O Vig” +—o0 Vouz
300

150;:(|)I3__‘,_Q|E150 St,:i

7

Fig. 5.4 The input and gain stages of the two-stage opamp.
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When the differential input voltage is zero, the drain voltages of both Q4 and Q, are
equal by arguments of symmetry. Therefore, the output voltage of the first stage,
Vg7, 18 given by

Vass = Vpss = Vess (5.23)

This value is the voltage necessary 10 cause [y, to be equal to I, or, in other words,
to satisfy (5.22). If this value is not achieved, then the output of the second stage (with

Q,, Q;) would clip at either the negative or positive rail since this stage has such a
high gain.* However, the gate-source voltage of Q, is given by

Vv _ e Ly (5.24)
= + -
O NG W/, "

so equating (5.22) and (5.24) to satisfy (5.23) results in

21 21
[ e _ J D6 (5.25)
unCox(W/L)zt anox(W/L)T
or, equivalently,
I I
D4 D6 (5.26)

(W/L),  (W/L),

This equality, when the current density of Q, is equal to the current density of Q,,
guarantees that they both have the same effective gate-source voltages.
Since -
Ipe  Ips _ (W/L),
Ips Ips/2  (W/L)s/2
we see that the necessary condition to ensure that no input-offset voltage is present is
(W/L), _(W/L),
(W/L),  (W/L)s
which is satisfied for the sizes shown. Note that this analysis ignores the voltage drop
of the level-shifter output stage (Qg, Qg) and any mismatches between the output
impedance of p-channel and n-channel transistors. Fortunately, these effects cause

only minor offset voltages, and by satisfying (5.28), offset voltages on the order of
5 mV or less can be obtained.

(5.27)

(5.28)

EXAMPLE 5.4

Consider the opamp of Fig. 5.2, where Q; and Q, are each changed to widths
of 120 um, and we want the output stage to have a bias current of 150 pA.

4. When the opamp is incorrectly designed to have an inherent input-offset voltage, feedback will cause the
differential input voltage of the first stage to be equal to a nonzero voltage needed to ensure that the second
stage does not clip.
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Find the new sizes of Q, and Q,, such that there is no systematic offset volt-
age.

Solufion

Since I determines the bias current of the output stage, and since it should
have 50 percent more current than I, its width should be 50 percent greater
than W, resulting in

W, = 450 um (5.29)
For Q, , we use (5.28), which leads to
2(450)(120)
W, = =———""""7 = 360 um 5.30
7 300 U { )

n-Channel or p-Channel input Stage

The two-stage opamp discussed above has p-channel input transistors. It is also possi-
ble to realize a complementary opamp where the first stage has an n-channel differen-
tial pair and the second stage is a common-source amplifier having a p-channel input
drive transistor. The choice of which configuration to use depends on a number of
trade-offs that are discussed here.

First, the overall dc gain is largely unaffected by the choice since both designs
have one stage with one or more n-channel driving transistors, and one stage with one
or more p-channel driving transistors.

For a given power dissipation, and therefore bias current, having a p-channel
input-pair stage maximizes the slew rate. This result is seen from (5.19) since p-
channel input transistors for the first stage have a larger V4 than would be the case
for n-channel input transistors (assuming similar maximum widths have been chosen
to maximize the gain). This slew-rate improvement can be one of the most important
considerations, and thus most knowledgeable designers choose a p-channel input for
the first stage.

Having a p-channel input first stage implies that the second stage has an n-
channel input drive transistor. This arrangement maximizes the transconductance
of the drive transistor of the second stage, which is critical when high-frequency
operation is important. As we will see in the next section, the equivalent second
pole, and therefore the unity-gain frequency as well, are both proportional to the
transconductance of the second stage.

Another consideration is whether a p-channel or n-channel source-follower out-
put stage is desired. Typically, an n-channel source follower is preferable because this
will have less of a voltage drop. Also, since an n-channel transistor has a higher
transconductance, the effect on the equivalent second pole due to its load capacitance
is minimized, which is another important consideration. Finally, there is less degrada-
tion of the gain when small load resistances are being driven. The one disadvantage of
having an n-channel source follower is that, for n-well processes, it is not possible to
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connect the source to the substrate, thereby minimizing the voltage drop. Finally, note
that, for opamps that drive purely capacitive loads, the buffer stage should not be
included, and for this case, the output stage is clearly not a consideration,

Noise is another important consideration when choosing which input stage to use.
Perhaps the major noise source of MOS opamps is due to 1/f noise caused by carriers
randomly entering and leaving traps introduced by defects near the semiconductor
surface. This 1/f noise source can be especially troublesome unless special circuit
design techniques are used.” Typically, p-channel transistors have less 1/f noise than
n-channel transistors since their majority carriers (holes) have less potential to be
trapped in surface states. Thus, having a first-stage with p-channel inputs minimizes
the output noise due to the 1/f noise. The same is not true when thermal noise is con-
sidered. When thermal noise is referred to the input of the opamp, it is minimized by
using input transistors that have large transconductances (Chapter 4, Section 4.4),
which unfortunately degrades the slew rate. However, when thermal noise is a major
consideration, then a more modern architecture, such as a folded-cascode opamp (dis-
cussed in Chapter 6), is normally used.

In summary, when using a two-stage opamp, a p-channel input transistor for the
first stage is almost always the best choice because it optimizes slew rate, unity-gain
frequency, and minimizes 1/f noise, with the major disadvantage being an increase in
wideband thermal noise.

5.2 FEEDBACK AND OPAMP COMPENSATION

LS

This section discusses using opamps in closed-loop configurations and how to com-
pensate an opamp to ensure that the closed-loop configuration is not only stable, but
also has good settling characteristics. Although the two-stage opamp is used as an
example, almost all the material discussed here applies to most other opamps as well.

Optimum compensation of opamps is typically considered to be one of the most
difficult parts of the opamp design procedure. However, if the systematic approach
taken here is used, then a straightforward procedure can be used that almost always
results in a near-optimum compensation network.

Before discussing compensation, some properties of feedback and closed-loop
amplifiers will first be reviewed.

First-Order Model of Closed-Loop Amplifier

A simple first-order model for the transfer function of a dominant-pole compensated
opamp, A($}, is given by

Ay

As) = ————
®) (1+s/w,)

(5.31)

5. Some useful circuit technigues 1o reduce the effects of 1/f noise are correlated double sampling and
chopper stabilization.
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where A, is the de gain of the opamp and )y is the (real-axis) dominant pole. At this
point, it should be mentioned that all the poles and zeros in this chapter occur on the
real axis and are represented by the notations o, and @, , respectively.®

Recall that the definition of the unity-gain frequency of an opamp, ®,, , is the fre-
quency at which |A(joy,)| = 1. We then have the following approximation, since

Wy >> Wy
, Ay
Afjog) =1 2 ——— (5.32)
W/ Wy
Thus, we have the following important relationship for this first-order model:
W = Ag@y, (5.33)

From here on, we will define w,, to be exactly equal to Aoy, which is approximately
equal to the unity-gain frequency of the opamp (assuming a first-order model Jor the
opamp).” Substituting (5.33) into (5.31) for the case in which 0y << W << @y, we have
at midband frequencies

Ags) = (5.34)
S

This approximate relationship is often used to analyze a closed-loop circuit for
the effects of the opamp’s finite bandwidth at midband frequencies.

An opamp with feedback can be modelled by the block diagram shown in Fig. 5.5
[Sedra, 1991]. Here, the feedforward amplifier, A(s), models the open-loop response
of the opamp. The feedback term, B, represenis the feedback factor, which is
assumed to be frequency independent; this is typically the case for amplifiers, but may
not be the case for applications such as damped integrators. It can be shown using sig-
nal-flow graph analysis that the closed-loop gain, Ag,(8), for this model is given by

A(s)
1 +BA(s)

At midband frequencies, the transfer function of the closed-loop amplifier may be
found by substituting (5.34) into (5.35), resulting in

Ac (8) = (5.35)

B je—

Vin(8) —o Vou (8)

Fig. 5.5 A block diagram of a feedback circuit.

6. To be more precise, @, and W, are the inverses of the coefficients multiplying the § terms in the denomi-
nators and numerators, respectively. The actual poles and zeros are the negatives of these terms.

7. The unity-gain frequency of an optimally compensated opamp can be very different from @y, due to
high-frequency poles and zeros that are ignored in the first-order model, especially when the closed-loop
configuration has large gain. However, at midband frequencies (5.34) is still valid.
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Mg 1 1

ACL(S) = Bmta.,_s = B(l +S/B0)ta)

(5.36)

Thus, the closed-loop amplifier has a closed-loop gain at low frequencies approxi-
mately equal to 1/ 8 and it has a —3-dB frequency given by

W3 gp = Py (5.37)

It will be shown shortly that, for optimally compensated opamps, Boy, = ®;, where
@, is the unity-gain frequency of the open-loop transier function. ft will also be shown
that, for optimally compensated amplifiers, m, is independent of the feedback factor, B,
and dependent only on high-frequency poles and zeros. Thus, the —3-dB frequency of
the closed-loop gain of an optimally compensated amplifier is approximately equal to
the unity-gain frequency of the loop gain, independent of the actual closed-loop gain.
However, the component sizes of the compensation network and o, will be shown to
depend on the desired closed-loop gain for an optimally compensated amplifier.

Linear Settling Time

The settling-time performance of integrated amplifiers is often an important design
parameter. For example, in switched-capacitor circuits, the charge from one or more
capacitors must be mostly transferred to a feedback capacitor within about half a :
clock period. This charge transfer is closely related to the opamp’s step response. As a

result, the settling time is defined to be the time it takes for an opamp to reach a spec-

ified percentage of its final value when a step input is applied.

This settling time consists of two distinct segments—Ilinear and nonlinear settling
time segments. The linear settling-time portion is due to the finite unity-gain fre-
quency of the opamp, and thus it sets a minimum value for the overall settling time
independent of the step size of the opamp’s output. In contrast, the nonlinear settling
time is due to slew-rate limiting, and thus this portion is strongly dependent on the
output’s step size. For example, for small step sizes in the output signal’s level, the
opamp may not reach a slew-rate limit at all, resulting in a nonlinear settling time of
zero. Here, we discuss only the linear settling time by modelling the opamp as ideal
but with a finite unity-gain frequency. Another simplification is to use the first-order
opamp model, which has a 90-degree phase margin. Such a simplification results in a
simple settling behavior that can be easily analyzed. Thus, the results here are used
only to estimate the necessary unity-gain frequency for a circuit to settle within the
linear settling-time segment. Simulations should be used in the latter parts of a design
to determine more accurate settling-time estimates.

From (5.36), we recognize that the time constant of the closed-loop amplifier, T,
is given by

8. For inverting configurations, {5.35) should be modified to be Ag  (8) = KA(8)/[1 + BA(s)]. and the
closed-loop gain at low frequencies is given by K/ . But these facts have no effect on the discussions to
follow regarding optimum compensation because we are primarily interested in the loop gain, which is still
givenby PA(s).
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1 |
T = = (5.38)
W3 P
The important result here is that the —3-dB frequency determines the settling-time
response for a step input. Recall that the transient response of any first-order circuit is

given by

-t/1

X(1) = X(e=) = [X(e=) - Xx(1)]e (5.39)

where T is the time constant of the circuit. For the closed-loop amplifier, the step
response is found using (5.39) to be given by

—t/1

Vou(l) = Vstep(] -e ) (5.40)

Here, Vg, is the size of the voltage step. With this exponential relationship, the time
required for a first-order circuit to settle to within a specified value can be found. For
. . - -t/1
example, if 1 percent accuracy is required, then one must allow €™ to reach 0.01,
which is achieved at a time of 4.67. For settling to within a 0.1 percent accuracy, the
settling time needed becomes approximately 7t. Also, note that just after the step
input, the slupe of the output will be at its maximum, given by
d _ Vstep

_Vout(t)

- (5.41)

t=0

If the slew rate of the opamp is larger than this value, no slew-rate limiting would occur.

-~

EXAMPLE 5.5

One phase of a switched-capacitor circuit is shown in Fig. 5.6, where the input
signal can be modelled as a voltage step. If 0.1 percent accuracy is needed in the
linear settling-time portion corresponding to 0.1 us, find the required unity-
gain frequency in terms of the capacitance values, C, and C,.For C, = 10C,,
what is the necessary unity-gain frequency of the opamp? What unity-gain fre-
quency is needed in the case in which C, = 0.2C,?

Solution

We first note that a capacitive feedback network is used rather than a resistive
one. A difficulty with this network in a nonswitched circuit is that no bias current

------- '3 EEE R
: nC2
: C1 ]
BRI 6 Vau
I [ A(S) Fig. 5.6 One phase of a switched-capacitor

= = circuit,
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flows into the negative opamp input terminal. However, in a switched circuit
using a CMOS opamp, this connection shown occurs only for a short time and
does not cause any problems. Second, note that the feedback factor is simply a
constant value since it is determined by a capacitive divider consisting of C, and
C..
The feedback factor, B, is given by
1/(sC,) _ C,

1/(sC)+1/(sC,) C,+C,
Now for 71 settling within 0.1 ps, we see that T must be less than 14.2 ns, and,
since T = 1/(Bwy,), we see that

- C,+G, 1 5.43)
“a=| ¢, [14.2 ns) ©-

For the case in which C, = 10C,, a unity-gain frequency of 12.3 MHz is
needed, whereas in the case of C, = 0.2C,, f,, should be larger than 66.8 MHz.

B = (5.42)

Opamp Compensation

When one is compensating an opamp, the first-order model given by (5.31) is insuffi-
cient. It ignores high-frequency poles and zeros; which cause possible instability,
even though they may be at frequencies greater than . It is important to accurately
model the open-loop transfer function at higher frequencies where the loop-gain is
approximately unity. Fortunately, when all poles and zeros are on the real axis, they
can be modelled reasonably well by a single additional pole. Specifically, we can
model A(s) by
Ao

A = 5.44
() (1+s/mpl)(1+s/u)eq) ' ¢ )

where @, is the first dominant-pole frequency and w,q is the pole frequency that
models higher-frequency poles. The relationship to approximate e, given a set of

real-axis poles, w,;, and zeros, m,;, is given by

=y -3 (5.45)

[t should be noted here that the approximation in (5.45) is different than that given in
{Sedra, 1991] since we are mostly interested in the phase shifts, rather than the attenu-
ation, due to higher-frequency poles and zeros. In practice, ©¢q is found from simula-
tion as the inverse of the frequency at which the transfer function has a —135° phase
shift (-90° due to the dominant pole and another —-45° due to the higher-frequency
poles and zeros).
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At frequencies much greater than the dominant pole frequency, © >> @, we see

that 1 +j0/m,, = jo/w,, and so (5.44) can be accurately approximated by
Oz

As)y z ————M
S(1 +8/gq)

(5.46)
Note that this approximation result is especially valid at the unity-gain frequency
of the loop (which we are presently interested in) since, from (5.33), ®,/ Wy =
(1/B)A,, which is almost certainly much greater than 1.
When the opamp is included in a circuit that has a feedback factor, B, then, at fre-
quencies around ®,,, the loop gain, LG(8), is given by
ooy,
LG(s) = BA(S) = ——m8 (5.47)
S{1+5/®yy)
The unity-gain frequency, ®,, of the loop gain, LG(S). can now be found by setting
the magnitude of (5.47) equal to unity after substituting $ = j®,. Once this is done
and the equation is rearranged, one can write,

Wy oy o Y
oz = — 1 +|— (5.48)
Weq  Weq Wgq

This equation will be used shortly to relate a specified phase margin to the Q factor of
the closed-loop configuration.
Note also that from (5.48) we have

oy W 2 a)t
Oy = — 1+(—J = (5.49)
p Weq B

for the special case in which the unity-gain frequency is much less than the equivalent
nondominant pole frequency (i.e., ) << Wqq).

The phase margin, PM, is an often-used measure for how far an opamp with feed-
back is from becoming unstable. PM is defined as the difference between the loop-
gain phase shift and —~180°. From (5.47), the phase shift, Z LG (jw), is found as

ZLG(jo) = -90° - tan " (@/ ®gq) {5.50)

This equation implies that at the unity-gain frequency. 8 = jm,, we have
PM = ZLG(jm) - (-180°) = 90° - tan~' (w,/ (Dgq) (5.51)
and, therefore,
W/ Weq = tan(90° — PM) (5.52)
which implies that
®, = tan(90° - F’M)meq (5.53)

Equation (5.52) can be used to derive @/, for a specified phase margin. Note that
the unity-gain frequency of the loop is independent of the feedback factor, B, and
therefore, in the case of an optimally compensated amplifier, it is independent of the
closed-loop gain as well.
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EXAMPLE 5.6

A closed-loop amplifier is compensated to have a 75° phase margin for § = 1.
What is o, if foq = Weq/(21) = 50 MHz? What is @, ?

Solution

Using (5.53), we have o, = 0.268w,,, which implies that the loop-gain
unity-gain frequency, f,, is given by f = 0/2n = 134 MHz. Using
(5.49), we also have, for p = 1, w, = m,./1 +0.2682 = 1.0350,, which
implies that f, = w,/2n = 13.9 MHz.

When considering optimum compensation, (5.34) is not accurate enough and one
must use the more accurate relationship for A(S) given in (5.46). Assuming B is fre-
quency independent, substituting (5.44) into (5.35), and rearranging gives

AcLo

AcL(s) = 5.54
ou(8) $(1/wp, + 1/ wgq) g2 (5-34)

+
L+ BA, (1 +BAG 0y Deg)

where

Ao = —2 = 5.55)
CLTITRA, - B (3.

Thus, the closed-loop response near the unity-gain frequency, @y, is closely approxi-
mated by a second-order transfer function. It should be noted here that this approxi-
mation is inaccurate in the case where the high-frequency poles and zeros are quite
close to ®,. However, in this case, it would be extremely difficult to adequately com-
pensate the opamp, and thus, this case is ignored.

The result of (5.54) can be equated to the general equation for a second-order ali-
pole transfer function, written as ‘

Ko:
H,y(s) = . = K - (5.56)
2 (mo) 2 [ s
S +|=< [8+ 0y | + — + —
Q ®Q

Recall that parameter @, is called the resonant frequency and parameter Q is called
the Q factor’ [Sedra, 1991]. It is well known that, if Q = J/1/2 = 0.707, then the
magnitude of the transfer function will have the widest passband without any peak-
ing. Furthermore, for Q = J1/2, the =3-dB frequency is equal to ®,. When the
step response is investigated, restrictions on the Q factor can also be found to guar-

9. The Q factor is 1/2 times the inverse of the damping factor. The damping factor is an alternative method
of indicating the pole locations in second-order transfer functions,
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antee no peaking. Specifically, for there to be no peaking in the step response, it is
necessary that both poles be real, which is equivalent to the requirement that
Q <0.5. In the case where Q> 0.5, the percentage overshoot of the output voltage

is given by
3
2
% overshoot = 100e"*% ™! (5.57)
Equating (5.54} with (5.56) and solving for @, and Q results in
@y = J(1+BAN0,,0eq) = /Baleq (5.58)
and

(5.59)

Q — »\/(1 + BAO)/mplmeq ~ JﬁAompl — )jﬁmta

1/0p; + 1/ 0gq w Wegq

eq
where the approximation of Q is valid since BA, >> 1 and @, << 44

It is now possible to relate a specified phase margin to the Q factor. Equation
(5.52) can be used to find )/ ®gq. This result can be substituted into (5.48) to find
B,/ ®eq), which can then be substituted into (5.59) to find the equivalent Q factor.
Finally, (5.57) can be used to find the corresponding percentage overshoot for a step
input. This procedure gives us the information in Table 5.1.

Table 5.1 leads to some interesting observations. First, a frequency response with
Q= J1/2 roughly corresponds to a phase margin of 65°. Therefore, one should
design for a phase margin of at least 65° given both process and temperature
changes. Second, if one wants to ensure that thefe is no overshoot for a step input,
then the phase margin should be at least 75°, again, given both process and tempera-
ture variations, Normalty, values of 80° to 85° should be the nominal phase margin to
account for these variations. These phase margins are much larger than what was tra-
ditionally thought to be necessary,

Finally, it is worth mentioning here that, when the feedback network is frequency
independent and less than unity, (i.e., when B < 1), the worst-case phase margin
occurs for § = 1. Thus, for a general-purpose opamp where 0 < § < 1, if the opamp is
compensated for B = 1, it is guaranteed to be stable for all other B, although it will
not be optimally compensated and will be slower than necessary.

Table 5.1 The relationship between PM, w,/w., Q factor,
and percentage overshoot

Percentage
PM overshoot for a
(Phase margin) @,/ Weq Q factor step input
55° 0.700 0.925 13.3%
60° 0.580 0.817 R.7%
65° 0.470 0.717 4.7%
70° 0.360 0.622 1.4%
75° 0.270 0.527 0.008%
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Qs Qs
300 Voo
Vhbias1 O_‘{g IEWJ
Q Q,
_ +
v, o[+ 300 300 :II-o Vin ¢—0 Vour
VbiasZ
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Fig. 5.7 The first two stages of the two-stage opamp, including the compen-
safion network.

Compensating the Two-Stage Opamp
It is now possible to consider compensation of the two-stage opamp. To make the dis-
cussion easier to visualize, the first two stages of the opamp, including the compensa-
tion network, are shown in Fig. 5.7.
The capacitor, Cg, realizes what is commonly called dominant-pole compensa-
tion. It controls the dominant first pole, (i.e., w,,; ), and thereby the frequency, @,
since (repeating (5.33) here for convenience},

W, = Ay, , (5.60)

Transistor Q¢ has Vpg, = O since no dc bias current flows through it, and
therefore Q¢ is hard in the triode region. Thus, this transistor operates as a resistor,
R¢ , of value given by

1
Re = Tgsig = (5.61)

wW
anox(tj Veff16
16

This transistor is included in order to realize a left-half-plane zero at frequencies
around or slightly above ,. Without Q,,, we have a right-half-plane zero, which
makes compensation much more difficult. The addition of such an extra left-half-plane
zero is what is commonly called lead-compensation. 1t should be noted here that ry,
indicates the drain-source resistance of Q¢ when it is in the triode region as opposed
to the finite-output impedance of Q| when it is in the active mode. The same notation,
Iy 15 used to indicate the drain-source resistance in both cases—whether the transis-
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Ce
{ E AN ’ . 4 +—0 Vou

V4
Im1Vin R, C, % Gm7Vy R, C.

Fig. 5.8 A smallsignal model of the two-stage opamp used for compensction analysis.

tor is in the active or the triode region. One simply has to check which region a tran-
sistor is operating in to ensure that the correct equation is used to determine ry.

A simplified small-signal model for this opamp is shown in Fig. 5.8, where the
output buffer has again been ignored. Also, it is assumed that the first stage is much
faster than the second stage and can therefore be modelled by a simple voltage-
controlled current source. In the small-signal model, we have

Ry = fasall ras: (5.62)
C, = Cgpa + Cgps + Cysy (5.63)
R; = ryse ll Tas7 (5.64)
C, = Cypr+ Cans + C1La (5.65)

Note that if no output buffer is present, then C_, is the output load capacitance. If an
output buffer is present, then C,, is the load capacitance introduced by the output
buffer and C,; also includes the capacitance needed to drive Q, in Fig. 5.2.

To show the need for R¢, we first assume Re = 0 and perform nodal analysis at !
the nodes designated by v, and V. The following transfer function is obtained: “

sCe
Imi9mRIRy[ 1 ——
Voul m7?
= (5.66)
Vin 1+sa+s’b
where
a=(C,+Cp)R,+(C, +C)R, + g,nR,R,C (5.67)
and )
b = RIRQ(C]C2+CICC+Cch) (568)

It is possible to find approximate equations for the two poles based on the
assumption that the poles are real and widely separated.'” This assumption allows us
to express the denominator, D(s), as'!

10. If this assumption is not valid, then it is extremely difficult to properly compensate the opamp for unity-
gain stability.

11. Note that the notation [ 4 (s/e,)] implies that the reot is in the left half plane if w,> 0, whereas
the root is in the right half plane if w, < 0.
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2
D(s)=(1+i][1+i) =SS (5.69)
mpl (ﬂpz mpl mplwp2
Setting the coefficients of (5.66) equal to the coefficients of (5.69) and solving for
®,; and e, results in the following relationships. The dominant pole, w,,, is given by

1

w =
PI = R,[C, +Cq(l +gmR,) 1+ R,(C,+Cp)
1
B R,Cc(l +9m:R:2) 5.70)
1
- gm?RIRZCC
whereas the nondominant pole, 6, , is given by
o - ngCC
P2~ C,C,+C,Cc+C,Cq
(5.71)
-~ grn7
T C+C,
Note that, from (5.66), another zero, ®,, is located in the right half plane and is
given by
~m7
w, = 572
z Co (53.72)

This zero should come as no surprise since there are two signal paths having opposite
signs in the small-signal circuit of Fig. 5.8—one through the voltage-controlled cur-
rent source, g7V . and the other through the compensation capacitor, Ce

From the preceding relationships for @, and ©,, we can see that, as Gm;
increases, the separation between the first and second poles increases. This separation
tends to make the circuit more stable; hence, the use of a Miller capacitance for com-
pensation is often called pole-splitting compensation. Also note that increasing Ce
moves the dominant pole, w,,, to a lower frequency without affecting the second
pole, ;. This effect also makes the opamp more stable.

However, a problem arises due to the right-half-plane zero, ®, . Because the zero
is in the right half plane, it introduces negative phase shift, or phase lag, in the transfer
function of the opamp. This makes stability more difficult. Making C larger does
nat help matters because this decreases the frequencies of both the first pole and the
zero without making them more widely separated. Indeed, because of this right-half-
plane zero, it is often impossible to choose Cg such that the step response has no
overshoot (assuming Rg = 0). Fortunately, all is not lost, since introducing Rc
allows adequate compensation, as we discuss in the next subsection.

Lead Compensation

If the small-signal model of Fig. 5.8 is reanalyzed with a nonzero Rg, then a third-
order denominator results. The first two poles are still approximately at the frequencies
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given by (5.70) and (5.71). The third pole is at a high frequency and has almost no
effects. However, the zero is now determined by the relationship,

-1

®, = (5.73)
’ CC(l/gm7_RC)
This result allows the designer a number of possibilities. One could take
Rec = 1797 (5.74)

to eliminate the right-half-plane zero altogether. Alternatively, one could choose Rg
to be even larger and thus move the right-half-plane zero into the left half plane to
cancel the nondominant pole. ;. Setting (5.73) equal to (5.71) and solving for R¢
results in the following equation for R :

1 [ C,+C,
Ro = —| 1+ (5.75)
gm'.' CC

Unfortunately, G, is often not known a priori, especially when no output stage is
present.

The third possibility (recommended by the authors) is to choose R. even
larger yet to move the now left-half-plane zero to a frequency slightly greater than
the unity-gain frequency that would result if the lead resistor were not present—say,
20 percent larger [Roberge, 1975]. For this case, one should satisfy the following
equation:

-

o, = 120, (5.76)

Assuming Rg>>(1/9,7), then ®, = 1/(R:Cg). and recalling from (5.14) that
Wy = g,/ Cg. then one should choose R, according to

1
1.29m

This approach leads to the following design procedure for lead compensation of a
two-stage CMOS opamp:

n

Re (577

1. Start by choosing, somewhat arbitrarily, Ci = 5 pF.

2. Using SPICE, find the frequency at which a —125° phase shift exists. Let the
gain at this frequency be denoted A’. Also. let the frequency be denoted ;.
This is the frequency that we would hike to become the unmity-gain frequency
of the loop gain.

3. Choose a new C; so that w, becomes the unity-gain frequency of the loop
gain, thus resulting in a 55° phase margin. (Obtaining this phase margin is
the reason we chose —125° in step 2.) This can be achieved by taking Cgp
according to the equation

Co = CuA’ (5.78)

It might be necessary to iterate on C¢, a couple of times using SPICE.
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4. Choose R according to

1

Rc 200, (5.79)
This choice will increase the unity-gain frequency by about 20 percent, leav-
ing the zero near to the final resuiting unity-gain frequency, which will end up
about 15 percent below the equivalent second-pole frequency. The resulting
phase margin is approximately 85°.!% This allows a margin of 5° to account
for processing variations without the poies of the closed-loop response becom-
ing real. This choice is also almost optimum lead compensation for almost any
opamp when a resistor is placed in series with the compensation capacitor. It
might be necessary to iterate on R a couple of times to optimize the phase
margin. However, one should check that the gain continues to steadily
decrease at frequencies above the new unity-gain frequency; otherwise, the
transient response can be poor. This situation sometimes occurs when unex-
pected zeros at frequencies only slightly greater than @, are present.

5. If, after step 4, or the phase margin is not adequate, then increase C; while
leaving R¢ constant. This will move both o, and the lead zero to lower fre-
quencies while keeping their ratio approximately constant, thus minimizing
the effects of higher-frequency poles and zeros which, hopefully, do not also
move to lower frequencies. In most cases, the higher-frequency poles and
zeros {except for the lead zero) will not move to significantly lower frequen-
cies when Cg; is increased.

6. The final step is to replace Rg by a transistor. The size of the transistor can be
chosen using equation (5.61), which is repeated here for convenience:

1
Rc = Tasis = W (5.80)
Uncox[t)mvemﬁ

Finally, SPICE can be used again to fine-tune the device dimensions to opti-
mize the phase margin to that obtained in steps 4 and 5.

Not only does the procedure just described apply to the two-stage opamp, but it (or a
very similar procedure) has been found to be almost optimum for compensating most
types of opamps.

EXAMPLE 5.7

An opamp has an open-loop transfer function given by

A (1 +s/m,)
A(s) = (5.81)
(L+8/wg, ) (1 +5/0;)

12. The first pole contribuies -390 phase shift, the lead zero contributes approximately 45° phase shift, and
the equivalent second pole contiguities approximately —40° phase shift.
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Here, A, is the dc gain of the opamp and ®,, ®,, and ®, are the frequencies of
a zero, the dominant pole, and the equivalent second pole, respectively. Assume
that w, = 21 x 50 MHz and that A, = 10*.

(@) Assuming w, — e, find ®,, and the unity-gain frequency. oy, so that the
opamp has a unity-gain phase margin of 55°.

(b) Assuming o, = 1.2 (where o is as found in part (a}), what is the new
unity-gain frequency. w,? Also. find the new phase margin.

Solution

First, note that at frequencies much greater than the dominant-pole frequency
(ie., @>> ), such as the unity-gain frequency, (5.81) can be approximated

by
Al +s/m
As) = —— d (5.82)
(s/mp )1 +8/m,)
{a) For @, — « we use (5.82) to find the phuase angle at o}
ZA(jo]) = ~90° —tan” (&]/®,) (5.83)
For a phase margin of PM = 55° we need
ZA(jo) = - 180° + PM = -125° (5.84)
Setting (5.83) equal to (5.84) and solving for w{/®, results in
tan (w./®,) = 35°
¢ (5.85)
= o = 22x10° = 2ax 35 MHz
Next, setting |A(jot) = 1 and again using (5.82) results in
A, o
(W/w,) 1 +(0)/®,)?
(5.86)
Wi/ + (0l 0,)?
=0, = = 2nx4.28 kHz
Ay
(b) First, we set
®, = 1.20] = 2nx 42 MHz (5.87)

To find the new unity-gain frequency, setting |A(jeo,)| = 1 in (5.82) now gives

AT+ (/o)
(o0 0)). 1 +(0y/ 0,)°
A(Jmplm
ST+ (w/0,)?

This equation can be solved for the new unity-gain frequency. Both sides can be
squared, resulting in a quadratic equation in ,, which can be solved exactly.
Alternatively, the value for @] found in part (@) can be used as an initial guess,

{5.88)

=y =
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and (5.88) can be solved iteratively. After four iterations, one finds that
o, = 2nx 46.8 MHz . This unity-gain frequency is a 34 percent increase over
that found in part {a). We can solve for the new phase shift by using

ZA(jo) = —90° +tan” (©,/W,) — tan” {0,/ ®,) = ~85.0° (5.89)

Note that this phase value gives a phase margin of 95°, which is a 40° improve-
ment! Normally, the improvement would not be this great due to additional
high-frequency poles and zeros (which have been ignored here). These high-
frequency poles and zeros will typically degrade the phase margin by an addi-
tional 5° or 10°. Regardless of this degradation, the improvement from using
lead compensation is substantial.

Making Compensation Independent of Process and Temperature

This section shows how lead compensation can be made process and temperature
insensitive. Repeating equations (5.14) and (5.71) here, we have

o = 3 (5.90)
C

and

o = Im7
P27 C, +C,

We see here that the second pole is proportional to the transconductance of the drive
transistor of the second stage, Q,,,. Also, the unity-gain frequency is proportional to
the transconductance of the input transistor of the first stage, g,,;. Furthermore, the
ratios of all of the transconductances remain relatively constant over process and tem-
perature variations since the transconductances are all determined by the same biasing
network.'® Also, most of the capacitances also track each other since they are prima-
rily determined by gate oxides. Repeating (5.73), when a resistor is used to realize
lead compensation, the lead zero is at a frequency given by

-1
" Cg(1/gmr-Rg)

(5.91)

w, (5.92)
Thus, if R can also be made to track the inverse of transconductances, and in par-
ticular 1/9,,7, then the lead zero will also be proportional to the transconductance
of Q.. As a result, the lead zero will remain at the same relative frequency with
respect to (0; and @y, as well as all other high-frequency poles and zeros. In other
words, the lead compensation will be mostly independent of process and tempera-
ture variations.

13. The ratio 1,/ M, is relatively constant for a given process (say, a 0.6-Jim process) but ofien varies more
significantly from process to process (say, from 0.6-pum to 0.4-um processes).
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It turns out that R can be made proportional to 1/g,,, as long as R is realized
by a transistor in the triode region that has an effective gate-source voltage propor-
tional to that of Q;. To see this result, recall that R, is actually realized by Q,, and
therefore we have

1

Re = My, = (5.93)
¢ gt uncox(W/!—)mVe!fm

Also, g, is given by
9m7 = uncox(W/L)?Veff'.' (5.94)

Thus, the product R¢g,,;, which we want to be a constant, is given by
R _ (W/L) Ve
c9m? = T o
(W/L)16Vers

Therefore, all that remains is to ensure that V y4,¢/V 7 is independent of process and
temperature variations since clearly the remaining terms depend only on a geometric
relationship. The ratio V 4,/ Vo; can be made constant by deriving Vg4 from the
same biasing circuit used to derive Vgg,. Specifically, consider the circuit shown in
Fig. 5.9, which consists of a bias stage, the second stage, and the compensation network
of the two-stage opamp. First we must make V, = Vy, which is possible by making
Vett1s = Veirr- These two effective gate-source voltages can be made equal by taking

{5.95)

21 21 :
Aj D7 = 'j Di3 (5.96) H
uncox(W/L)'I “nCox(W‘/L)B
Squaring and simplifying, we see that the following condition must be satisfied: |
1 WL !
oy _ (W/L), (5.97) |
oz (W/L)y i
However, the ratio I5,/I,;, is set from the current mirror pair Qg, Q,,, resulting in g
| W/L
lor _ (W/L)s (5.98)
ID13 (W/L)li
. Q
Vbiaso—-|11E25 Q?E 300
Qo
_||: 25
Va
C
Q13 - ‘
300._ Fig. 5.9 The bias circuit, sec-
- - v =|-+ ond stage, and compensation
® Q; circuit of the two-stage opamp.
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Thus, to make Vg3 = Vgp7. from (5.97) and (5.98), we need to satisfy the follow-
ing relationship:

W7L), _ (W/L),
(W/L),  (W/L);

Assuming this condition is satisfied, we have V43 = Vg, and therefore we also
have V, = V. Since the gates of Q,, and Q,, are connected and their source volt-
ages are the same, we also have V4o = Va6 - Next, using these gate-source rela-
tionships and noting that Iy, = I5,;, we can write

f 2Ip3
Veitr Vet UnCoxW/L) 5 (W/L),

- = = (5.100)

Vetie Vet J 2Ih12 ) (W/L),
uncox(W/L)lz

Finally, substituting (5.100) into (5.95), we have the product R;Q,,+, given by

(W/L); W7D,
R = 101
o9m7 = W70 (W0, (101

which is only dependent on geometry and not on processing or temperature variations.

As a result, we have guaranteed that the drain-source resistance of a transistor
in the triode region is inversely matched to the transconductance of a different tran- i
sistor. This relationship can be very useful for many other applications as well. ]
Indeed, in the next subsection, we will see that it’s quite simple to make all of the
transconductances of transistors in a microcircuit match the conductance of a sin-
gle off-chip resistor. This approach results in the possibility of on-chip “resistors,”
realized by using triode-region transistors that are accurately ratioed with respect
to a single off-chip resistor. This relationship can be very useful in modern circuit
design.

(5.99)

Biasing an Opamp to Have Stable Transconductances

We have seen that transistor transconductances are perhaps the most important
parameters in opamps that must be stabilized. This stabilization can be achieved by
using a circuit approach first proposed in [Steininger, 1990], in which transistor
transconductances are matched to the conductance of a resistor. As a result, to a first-
order effect, the transistor transconductances are independent of power-supply volt-
age as well as process and temperature variations.

The bias circuit is shown in Fig. 5.10. First, it is assumed that (W/L),, =
(W/L),,. This equality results in both sides of the circuit having the same curreat due
to the current-mitror pair Q,,, Q;,. As a result, we also must have I, = Ig,;. Now,
around the loop consisting of Q 3, Q, and Rg, we have

Vesis = Vasis +IpisRs (5.102)
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25 Jp——|; 25

10— - 25

_ _ ) Fig. 5.10 A bias circuit that gives very predictable and stable
LT -~ ¢ fransistor fransconductances.

and recalling that Vo = Vgg;— V,, we can subtract the threshold voltage, V,, from
both sides, resulting in

Vems = Vens +IpisRs (5.103)
This equation can also be written as
21 21
J oL = J LI . (5.104)
HaCox(W/L)y; HaCox(W/L)5
and since I,y = Ip,5, we can also write =
21 21
J oL = J OB 4 1I,;5Rs (5.105)
unCox(W/L)B unCox(W/L)IS

Rearranging, we obtain

2 /Ly
1- = Rg {(5.106)
Jzuncox(W/L)BIDB WrLs

and recalling that gn 3 = J2H,Cox(W/L)5Ip;5 results in the important relation-

ship
i 75u]
(W/L)ys |

Re

(5.107)

Omis =

Thus, the transconductance of Q,; is determined by geometric ratios only, indepen-
dent of power-supply voltages, process parameters, temperature, or any other parame-
ters with large variability. For the special case of (W/L);s = 4(W/L),5, we have

simply
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1
Omiz = o~ (5.108)

Reg
Note that, not only is g5 stabilized, but all other transconductances are also sta-
bilized since all transistor currents are derived from the same biasing network, and,
therefore, the ratios of the currents are mainly dependent on geometry. We thus have,
for all n-channel transistors,

(W/D)lp,
Oni = oo X9mis (5.109)
(W/L)IBIDH

and for all p-channel transistors

u, (W/L)I,
= /_—xg : (5.110)
g Uy (W/Ly I,

It should be noted here that the preceding analysis has ignored many second-
order effects such as the transistor output impedance and the body effect. The body
effect will modify the equation slightly, but the relationship will still depend primarily
on geometry alone, The major limitation is due to the transistor output impedance.
This effect can be made of little consequence by replacing the simple current mirrors
with cascode mirrors. Although the use of cascode mirrors appears at first glance to
require large power supplies, in Chapter 6 we will see that by using wide-swing cur-
rent mirrors, this is not necessarily the case. A final limitation is that at high tempera-
tures, the currents and effective gate-source voltages increase substantially to offset
the mobility degradation and to keep the transconductances stable. In addition, the
effective gate-source voltages also increase, thereby limiting signal swings more than
is the case at normal temperatures. Since the carrier mobility is proportional to T
this corresponds to a 27-percent reduction from room temperature of (300°K) to
100°C (373 °K). Thus, the effective gate-source voltages increase by 27 percent to
keep the transistor transconductance unchanged. since

Ori = 1:Cor{ [ Ver: s.111)

As long as the effective gate-source voltages have not initially been designed to be too
large, this limitation is tolerable in most applications.'* A typical value for effective
gate-source voltages might be 0.2 V to 0.25 V at room temperature.

" The bias circuit just presented is an exaniple of a circuit having positive feed-
back. It is stable as long as the loop gain is less than unity, which is the case when
(W/L)s/(W/L); > 1. However, this circuit unfortunately can have a second sta-
ble state where all the currents are zero. To guarantee this condition doesn’t happen,
it is necessary to add a start-up circuit that only affects the operation if all the cur-
rents are zero at start up. Possible start-up circuits will be described in Chapter 6.

14. Also. if on-chip resistors, such as well or diffusion resistors, are used, this effect will be somewhat off-
set by their positive temperature-coefficient dependency.
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1, Qg , Quya ! Qy, 1 Y, Qg p !
2 11 5 [b]8] 6
25t_|}—-»—|,"_1k 25 {ESOO {Esoo 1
500
2 ° 13 '-——|€
Qg
- 014 012 QI 8 02
Vi— V. o+
25 :'l—l-—": 25 Vin o4|: 300 soojl-o in Vo
3 9 11 144 &
4 5
100 _J——[; 25 Qi 5 Clc
10 12 ¥ I'_{
6L Qs 5 Qyg 1511
Ry 7 300 500
, 150;:||——{':;1 50 I'{i ﬂ":;
o)
7 Qs Qq 7 Vgg @ 7 ¢ 7
—_—— — —_— —
Bias circuitry Differential-input Common-source Output
first stage second stage buffer

Fig. 511  All transistor lengths equal 1.6 um.

5.3 SPICE SIMULATION EXAMPLES

In this section, SPICE simulation results are presented for Examples 5.1 and 5.2.

—~

Simulations of Examples 5.1 and 5.2.

The circuit for Examples 5.1 and 5.2 is shown in Fig. 5.11. Ry, is chosen such that Qg
has a dc current of 100 yA. The size of Q4 is selected for proper lead compensation.

NETLIST:

vdd 1 0 dc 2.5

vss§ 7 0 dc 2.5

ml0 2 2 1 1 PMOS w=25um |=1.6um
mll 3 2 1 1 PMOS w=25um |=1.6um
ml4 2 3 4 7 NMOS w=25um |=1.6um
ml2 3 3 5 7 NMOS w=25um |=1.6um
ml3 4 5 6 7 NMOS w=100um I=1.6um
ml3 5 5 7 7 NMOS w=25um |=1.6um
rb 6 7 8k

m3 8 2 1 1 PMOS w=300um |=1.6um
ml 10 9 8 1 PMOS w=300um |=1.6um
m2 12 11 8 1 PMOS w=300um |=1.6um
m3 10 10 7 7 NMOS w=150um I=1.6um
m4 12 10 7 7 NMOS w=150um |=1.6um
vin 9 0 dc O
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i+
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sol
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Frequency [Hz]

Fig. 5.12 A frequency plot of the two-stage opamp.

vin+ 11 0 dcOacl

m6 13 2 1 1 PMOS w=300um |=1.6um
m8 1 13 14 7 NMOS w=500um l=1.6um
m7 13 12 7 NMOS w=300um I=1.6um
m9 14 12 7 7 NMOS w=500um |I=1.6um
cc 15 13 5pF

ml6é 15 3 12 7 ~ NMOS w=100um I=1.6um
.0p

.ac dec 20 0.1k 100Meg

print vdb(14)

.option post

.options brief

Jib “../cmos_models” library
.end

The frequency plot result is shown in Fig. 5.12, where we see that the dc gain is
67 dB (i.e., 2240 V/V). The gain of the opamp is different from the hand-calculation
result from Example 5.1 because the values for the transistor output impedances in the
example are rough estimations. The unity-gain frequency is shown to be 25 MHz,
which corresponds closely to the hand-calculated result since this calculation does not
depend on poorly modelled variables.

5.4 REFERENCES

P. R. Gray and R. G. Meyer. Analysis and Design of Analog Integrated Circuits, 3rd ed. John Wiley &
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5.5 PROBLEMS

Unless otherwise stated, assume the following:

* n-channel MOS transistors:

UnCox = 92 HAIV’

V,, = 08V

7= 0.5 N

Mgs(2} = 8, 000 L(um)/Ip(mA)in active region

C =24x10" PE/ (m)’

CJ ow = 2010 * pF/um

Cox = 1.9 107 pF/(1um)’

Cgsovertap; = ngroveﬁap) =20x10™ pF/um
* p-channel MOS transistors:

UpCox = 30 pA/V?

V =09V

v 08V

rgo(82) = 12, 000 L{um)/ ID(mA) in active gggion,

C/=45x 107" pF/(um)'

CJ ow = 2.5% 10" pF/pum _

Cox = 1.9% 107 pF/(pm)’

Cgs(overlap; - ng(over#ap) = 2.0x 1074 PF/Mm

5.1 Assume that In5 = 100 uA, all transistor lengths are 1.2 pm, and
C. = 10 pF. For the two-stage opamp of Fig. 5.2,
a. Estimate the —3-dB frequency of the first stage.
b. Estimate the unity-gain frequency of the opamp.
¢. Find the slew rate,
5.2 Repeat Exampie 5.3, but let C¢ = 4 pF. What circuit changes could be made
to double the slew rate while keeping ®, and C unchanged?

5.3 How should the sizes of Qg and Q, change in Problem 5.2 to maintain zero
systematic offset voltage?

54  Assume Q; and Q, of the two-stage opamp of Fig. 5.4 are both 50 um wide,
all transistor lengths are 1.6 pm, and Ips = 100 pA. Estimate the inherent
input-offset voltage.

5.5 Ignoring the body effect, what is the output voltage range of the opamp of
Fig. 5.27 What is the range of the common-mode input voltage, assuming
5 V power supplies are used? Assume Iy, = 100 pA.
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5.6 Consider the opamp shown in Fig. 5.2, where Q,, is placed on the output side
of Cc (rather than where it is shown). Explain why this circuit would then
oscillate for large positive output values.

5.7 Repeat Problem 5.5, but take the body effect into account and find approximate
answers.

5.8 Consider a system response, H(s), with one dominant pole, other real-axis
poles, and zeros such that

Ag x l‘[(l + —S-)
0y

(g mlg)

pl

H(s) =

Also consider another approximating function, Hap,(S), given by

(4]
(1 + in + i)
Wp) Weq

Show that, when H(s} is approximated by H app(S) such that the phase of the
two systems are approximately equal at ©, of H(8), w,, should be equal to

1 1 1
DY) 2y

Weq

H app(s) =

5.9 Anopamp has its first pole at 3 kHz and has high-frequency poles at 130 MHz,
160 MHz, and 180 MHz. Using iteration, find the frequency where the phase
shift is —135° and, therefore, find the equivalent time constant that models the
high-frequency poles. How does this compare to the estimate given by equa-
tion (5.45)?

5.10 A two-stage opamp has a compensation capacitor connected between the input
and the output of the second stage. It has an equivalent second-pole frequency
of 60 MHz. Assume the input transistors of the first stage have a transconduc-
tance of 0.775 mA/V and the gain of the output buffer is exactly unity. What is
the required size of the compensation capacitor if the phase margin is to be 55°
for the feedback configuration shown in Fig. P5.10?

R, = 50 kQ
—AN
R, = 10 kQ
Vi, O— A/ -
+ —O V.,
L
Fig. P5.10
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For the result of Problem 5.10, what is a near-optimum size for a capacitor to
be placed in parallel with R, in order to obtain lead compensation?

An opamp has an open-loop transfer function given by
Ay

(1+fi 1+EJ

H(s) =

Assume Ay = 104 and ®, = 108 rad/s. A zero, ®,, is added such that the
frequency of the zero is the same as the resulting open-loop unity-gain fre-
quency, . Find 0, and @, so that the phase margin is 80°.

An opamp has an open-loop transfer function given by

Ay(1+8T1,)

AS) = — "~
st,(1 +51,)

Find the transfer function of the closed-loop amplifier, assuming a feedback
factor B exists. Find approximate equations for the resonant frequency and the
Q factor of the denominator of the transfer function of the closed-loop ampli-
fier.

Prove that the frequencies of the first and second poles of the amplifier of

Fig. 5.2 are still given by (5.70) and (5.71), even when lead compensation is
used (i.e., when R is included in Fig. 5.8).

Design the bias circuit of Fig. 5.10 to have Vet = 0.25 V for all transistors.
For Qy, - Q4 having sizes of 10 pm/1.2 pm and Q5 having a size of

40 pm/ 1.2 pm, what is the required size of R? What would the effective
gate-source voltage be at 70 °C? Confirm your answer using SPICE.
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CHAPTER

Advanced Current Mirrors
and Opamps

The classical two-stage opamp was discussed in Chapter 5. While this two-stage
opamp has been used in many commercial integrated circuits, recently a number of
alternate opamp designs have been gaining in popularity and are the topic of this
chapter. Since many of these opamps make use of more advanced current mirrors, a
discussion of advanced current mirrors is presented first. Following the current-mirror
section, the design of two modern opamps having single-ended outputs is presented.
Next, design principles are discussed for realizing opamps having fully differential
outputs. Finally, the basics of “current-feedback opamps™ are presented, where we see
that these opamps can have large gain-bandwidth products without the need for
adjusting the compensation capacitance.

6.1 ADVANCED CURRENT MIRRORS

Wide-Swing Current Mirrors

As newer technologies with shorter channel lengths are used, it becomes more diffi-
cult to achieve reasonable opamp gains due to transistor output-impedance degrada-
tion caused by short-channel effects. As a result, designers are often forced to use
cascode current mirrors. Unfortunately, the use of conventional cascode current mir-
rors limits the signal swings available, which may not be tolerated in certain applica-
tions. Fortunately, circuits exist that do not limit the signal swings as much as the
current mirrors discussed in Chapter 3. One such circuit is shown in Fig. 6.1 and is
often called the “wide-swing cascode current mirror” [Sooch, 1985; Babanezhad,
1987].

The basic idea of this current mirror is to bias the drain-source voltages of transis-
tors Q, and Qj to be close to the minimum possible without them going into the tri-
ode region. Specifically, if the sizes shown in Fig. 6.1 are used, and assuming the
classical square-law equations for long channel-length devices are valid, transistors
Q, and Q, will be biased right at the edge of the triode region. Before seeing how
these bias voltages are created. note that the transistor pair Q,, Q, acts like a single
diode-connected transistor in creating the gate-source voltage for Q. These two tran-
sistors operate very similarly to how Q. alone would operate if its gate were con-

256
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Tias Lin Vou I ¢I°UT = In
Vs wi o lwa
2 2
W/L ! 1||—I " | :
(n+1) La Q, Q,
_1

w/L =% w/ 1@

Fig. 6.1 The wideswing cascode current mirror.
Lias typically is set to the nominal or maximum input
current, I,

nected to its source. The reason for including Q, is to lower the drain-source voltage
of Q; so that it is matched to the drain-source voltage of Q,. This matching makes
the output current, 1, more accurately match the input current, I,,. If Q, were not
included, then the output current would be a little smaller than the input current due to
the finite output impedances of Q, and Q. Other than this, Q, has little effect on the
circuit’s operation.

To determine the bias voltages for this circuit, let V,;; be the effective gate-
source voltage of Q, and Q;, and assume all of the drain currents are equal. We there-

fore have
24y,
Vet = Vatz = Vg = |———— 6.1
aff etf2 eff3 L Co(W/L) (6.1)
Furthermore, since Q5 has the same drain current but is {(n + 1)2 times smaller, we
have
Vess = (N+ 1)V (6.2)
Similar reasoning results in the effective gate-source voltages of Q, and Q, being
given by '
Veir1 = Veira = NVeg (6.3)
Thus,
Vas = Vag = Vg = (n+ DV 4+ V,, (6.4)
Furthermore,
Vosz = Vpss = Vas—Vasi = Vas— (Ve + Vi) = Vo (6.5)

This drain-source voltage puts both Q, and Q; right at the edge of the triode region.
Thus, the minimum allowable output voltage is now

Voui > Veffl + Veffl = (n + I)Veff (66}

A commeon choice for n might be simply unity, in which case the current mirror oper-
ates correctly as long as
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Vout > 2Veff (6'7)

With a typical value of V4 between 0.2 V and 0.25 V, the wide-swing current mirror
can guarantee that all of the transistors are in the active (i.e., saturation) region even
when the voltage drop across the mirror is as small as 0.4 V0 0.5 V.

However, there is one other requirement that must be met to ensure that all tran-
sistors are in the active region. Specifically, we need

Vpgy> Vepe = NV (6.8)

to guarantee that Q, is in the active region. To find Vg, , we note that the gate of
Q; is connected to the drain of Q,, resulting in

Vibss = Vai—Vpss = (Ve + Vi) = Ve = Vi, (6.9)

As aresult, one need only ensure that V,,, be greater than nVy; for Q. to remain in
the active region—not a difficult requirement.

It should be noted that this circuit was analyzed assuming the bias current, I,
equals the input current, I, Since, in general, I;, may be a varying current level,
there is some choice as to what I, value should be chosen. One choice is to set Ipgg
to the largest expected value for Ij,. Such a choice will ensure that none of the devices
exit their active region, though the drain-source voltage of Q, and Q; will be larger
than necessary except when the maximum L, is applied. As a result, some voltage
swing will be lost. Perhaps the more common choice in a wide-swing opamp is to let
Lpias €qual the nominal value of I;,. With this setting, some devices will enter triode
and the output impedance will be reduced for larger I;, values (say, during slew-rate
limiting), but such an effect during transient conditions can often be tolerated.

Before leaving this circuit, a few design comments are worth mentioning. In most
applications, an experienced designer would take (W L) smaller than the size given
in Fig. 6.1 to bias transistors Q, and Q; with slightly larger drain-source voltages than
the minimum required (perhaps 0.1 V to 0.15 V larger). This increase accounts for the
fact that practical transistors don’t have a sharp transition between the triode and active
regions. This increase would also help offset a second-order effect due to the body
effect of Q, and @, which causes their threshold voltages to increase, which tends to
push Q, and Q; more into the triode region. In addition, to save on power dissipation,
the bias branch consisting of Q5 and I, might be scaled to have lower currents while
keeping the same current densities and, therefore, the same effective gate-source volt-
ages. A final common modification is to choose the lengths of Q, and Q, just a little
larger than the minimum allowable gate length (as the drain-source voltage across
them is quite small}, but Q, and Q, would be chosen to have longer gate lengths since
the output transistor (i.e., Q,) often has larger voltages across it. A typical size might
be twice the minimum allowable channel length. This choice of gate lengths helps
eliminate detrimental short-channel effects, such as the drain-to-substrate leakage cur-
rents of @, that might otherwise result. Minimizing the lengths of Q, and Q; maxi-
mizes the frequency response, as their gate-source capacitances are the most
significant capacitances contributing to high-frequency poles.

Finally, it should be mentioned that this current mirror is presently becoming the
most popular CMOS current mirror and is therefore very important in many analog
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designs besides opamps. The next subsection will show how it can be incorporated
into the constant g, bias circuit described in Chapter 5.

Wide-Swing Constant-Transconductance Bias Circuit

It is possible to incorporate wide-swing current mirrors into the constant-transconduc-
tance bias circuit described in Chapter 5. This modification greatly minimizes most of
the detrimental second-order imperfections caused by the finite-output impedance of
the transistors, without greatly restricting signal swings. The complete circuit is
shown in Fig. 6.2. This circuit is a modification of the circuit described in Fig 5.10,
and has both wide-swing current mirrors and’a start-up circiﬁt}

The n-channel wide-swing cascode current mirror consists of transistors Q,-Q,,
along with the diode-connected biasing transistor Qs. The pair Qs, Q acts similarly to
a diode-connected transistor at the input side of the mirror. The output current comes
from Q). The gate voltages of cascode transistors Q, and Q, are derived by the diode-
connected transistor Q5. The current for this biasing transistor is actually derived from
the bias loop via Q,y and Q.

Similarly, the p-channel wide-swing cascode current mirror is realized by Q.—Q,
Transistors Qg and Qg operate as a diode-connected transistor at the input side of the
mirror. The current-mirror output current is the drain current of Q. The cascode tran-
sistors Qg and Qg have gate voltages derived from diode-connected Q,,, which has a
bias current derived from the bias loop via Q,, and Q;.

Q.| | A 5/1.6

|_ L
Q 20/1|_ l Q4
20/1.6 o0/ 6] 8 Q4
Q 4 = =]
B 20/1.6[

10/11.6 Q, 101 .ﬂ
@ =1 E—
10/1.6(2-5/1.6 Q3
4011 10/1 Q 10/1
oo M o,
—— = - Veascn
Rg <5 kQ = -
O Vbiasn
—— ——— ———
Bias loop Cascode bias Start-up circuitry

Fig. 6.2 A constanttransconductance bias circuit having wide-swing cascode current
mirrors.
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The bias loop does have the problem that at start-up it is possible for the current
to be zero in all transistors, and the circuit will remain in this stable state forever. To
ensure this condition does not happen, it is necessary to include start-up circuitry that
affects only the bias-loop in the case that all currents in the loop are zero. An exam-
ple of a start-up circuit consisting of transistors Q,s, Q;4, Q;7, and Q5 is also shown
in Fig. 6.2. In the event that all currents in the bias loop are zero, Q,; will be off.
Since Q, operates as a high-impedance load that is always on, the gates of Q5 and
Q,; will be pulled high. These transistors then will inject currents into the bias loop,
which will start up the circuit. Once the loop starts up, Q,; will come on, sinking all
of the current from Q,4, pulling the gates of Q5 and Q,4 low, and thereby turning
them off so they no longer affect the bias loop. This circuit is only one example of a
start-up loop, and there are many other variations. For example, sometimes the p-
channel transistor, Q g, is replaced by an actual resistor (perhaps realized using a
well resistor).

Tt is of interest to note that the bias circuit shown consists of four different
loops—the main loop with positive feedback, the start-up loop that eventually gets
disabled, and the two loops used for establishing the bias voltages for the cascode
transistors. These latter two loops also constitute positive feedback but with very little
gain.

Shewn next to each transistor are reasonable W/L dimensions (in im) of a possi-
ble realization that had its operation experimentally verified (it was realized in a
0.8-um technology). Because this circuit allowed for accurately predictable transcon-
ductances, it also allows the performance of the realized opamp to be accurately pre-
dicted using moderately simple equations prior to réalization.

Enhanced Output-Impedance Current Mirrors

Another variation on the cascode current mirror is often referred to as the enhanced
output-impedance current mirror. A simplified form of this circuit is shown in
Fig. 6.3, and it is used to increase the output impedance. The basic idea is to use a
feedback amplifier to keep the drain-source voltage across Q, as stable as possible,
irrespective of the outpul voltage. The addition of this amplifier ideally increases the

Ioui

|
Raut jj‘t

VDH‘? K
Q

Q, Fig. 6.3 The enhanced outputimpedance cur-
rent mirror.
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output impedance by a factor equal to one plus the loop gain over that which would
oceur for a classical cascode current mirror. Specifically, using the results from
Chapter 3,

II("

“Rout gmlrdslrdﬂ(l+A) (6.10)

In practice, the output 1mpedance might be limited by a parasitic conductance
between the drain of Q; and its substrate due to short-channel effects. This parasitic
conductance is a result of collisions between highly energized electrons resulting in
electron-hole pairs to be generated with the holes escaping to the substrate, The gener-
ation of these electron-hole pairs is commonly called | impact ionization.

It should be mentioned that the technique just described for output-impedance
enhancement is not useful when bipolar transistors are used due to the finite base cur-
rent of the transistors (see Problem 6.8).

EXAMPLE 6.1

Assume an amplifier, A(8), has a transfer function given by
Ag Ay
1+ sr’, 81,

A(s) = (6.11)
around its unity-gain frequency. Find approximate equations for any additional
poles and/or zeros introduced by the gain enhancement circuit that are signifi-
cant around the unity-gain frequency of the common-source amplifier shown in
Fig. 6.4. Assume the gain of the common-source stage is given by

Vouls) 1
Ays) = —=— = - (R sll—) 6.12
v(8) ) Frma| Rout(S) sC. (6.12)
where R, is now a function of frequency and given by
Row(s) = OmilasiFas2(1 + A(S)) (6.13)
Ibias

O Vout

Fig. 6.4 A common-source amplifier with output-
impedance enhancement.
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Solution

Note that at high frequencies, it is not possible to assume that |A(jo)| >> 1.
Working with conductances, we have

1 Gge19as2

G,.(8) = = (6.14)
P T Roul(8)  gmil1+A(S))
which can be inserted into (6.12) giving
—Om2 ~Qm2
Av(s) = =
SCL + Gom(s) gds]gdSZ
sC + ———
Imi{1 +A(S))
(6.15)
 —Gm(1 +A(S)
SCL(l + A(S)) + ds19ds2
ml
Substituting (6.11) into (6.15) and rearranging gives
- Ag +81]
Ay(s) = SmaAo = ) (6.16)
S(AOCL + 9ds19do2 T + sCL"c’,j
Imi
From (6.16), we see that there is a left-hand-plane zero at a frequency given
by
Ao
W, = — 6.17)
T

which is the approximate unity-gain frequency of the amplifier, A(s). Also,
there are two poles, but the pole at dc is not accurate since we have made use of
approximate equations that are valid only near the unity-gain frequency of the
amplifier. However, the other pole location is a good approximation and it
occurs in the left-half-plane given by (after some rearranging)

p2 - ﬁ)+gdslgdsz _ AO 1

(6.18)

1 COm T CGF
Here, we have defined
R" = OmilasiTds2 (6.19)

which is approximately the output impedance of the cascode mirror without
enhancement and is quite a large value. Furthermore, note that the term A,/T;
is a value near the unity-gain frequency of the amplifier, and therefore, typically
the first term in (6.18) dominates. Thus, the added pole frequency is approxi-
mately given by

o
(8]
I
| >
=]
i
2
N

(6.20)

L]
=
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Therefore, like the new zero, the new pole also occurs around the unity-gain fre-
quency of the amplifier, and their effects mostly cancel each other out. In addition,
if the unity-gain frequency of the enhancement loop is greater than the unity-gain
frequency of the opamp, the frequency response of the enhancement amplificr
shouldn’t have a large detrimental effect on the overall frequency response.

The enhanced output-impedance current mirror appears to have been originally
proposed in [Hosticka, 1979] for singie-ended input amplifiers and more recently
described almost simultaneously in [Bult, 1990] and [Séckinger, 1990] for differential-
input amplifiers. Bult proposed that complete opamps be used for each current mirror.
In a modern fully differential opamp, this might increase the number of opamps by
four, although these extra opamps can be scaled to have less power dissipation. The
implementation proposed by Sickinger is shown in Fig. 6.5. The feedback amplifier in
this case is realized by the common-source amplifier consisting of Q, and its current
source lg,. Assuming the output impedance of current source Iy, is approximately
equal to g, the loop gain will be (g374e3)/2, and the final ideal output impedance
will be given by

_ 9m19milasifas2ldss

Fout = > (6.21)

The circuit consisting of Q,, Qs, Qg, Ijs, and lg, operates almost identically to a
diode-connected transistor, but is used instead to guarantee that all iransistor bias volt-
ages are accurately matched to those of the output circuitry consisting of Q,, Q,, Q;,
and Ig, . As aresult, I, will very accurately match I,,,.

The Sickinger realization is much simpler than that proposed by Bult, but has a
major limitation in that the signal swing is significantly reduced. This reduction is a
result of Q, and Q; being biased to have drain-source voltages much larger than the
minimum required. Specifically, their drain-source voltages are given by

Vg2 = Vpgs = Vs + Vi, (6.22)

rather than the minimum required, which would be equal to V. This limitation is
especially harmful for modern technologies operating with power supply voltages of

Q2 Fig.6.5 The Sickinger implementation of the
enhanced outputimpedance current mirror.
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3.3 V or lower. [n the next subsection, an alternative realization is described that com-
bines the wide-swing current mirror with the enhanced output-impedance circuit.

Wide-Swing Current Mirror with Enhanced Output Impedance

This current mirror was originally described in [Gatti, 1990] for use in current-mode
continuous-time filters and was then used in the design of wide-signal-swing opamps
[Coban, 1994; Martin, 1994]. It is very similar to the enhanced output-impedance cur-
rent mirrors of [Sickinger, 1990], except that diode-connected transistors used as
level shifters have been added in front of the common-source enhancement amplifi-
ers, as shown in Fig. 6.6. At the output side, the level shifter js the diode-connected
transistor, Q,, biased with current Ip;,s. The circuitry at the input basically acts as a
diode-connected transistor while ensuring that all bias voltages are matched to the
output circuitry so that I, accurately matches I,,. Shown next to each transistor is a
reasonable width in pm. Note that for the case in which

Ibias = Iin/F’r (6.23)

all transistors are biased with nearly the same current density, except for Q; and Q.
As a result, all transistors have the same effective gate-source voltages, V¢, except
for Q; and Q,, which have gate-source voltages of 2V because they are biased at
four times the current density. Thus, we find that the gate voltage of Q. equals

VG3 = 2Veff+ Vm (624)

and the drain-source voltage of Q, is given by )

Vpsz = Vas = Vg3 —Vass = (2Ve+ Vi) — (Vo + Vi) = Vgt (6.25)
Therefore, Q, is biased on the edge of the triode region and the minimum output volt-
age is given by

Vout > Vosz + Veffl = zveﬂ (6.26)
I..=1L
41,.. ) out in
lin = 7lpias blas Hoias |¢
70 Ibia Ibias 70

Qg 7 t Q,

10 '_J 10 10 10
Q, — o, Q< Q,

065__ Jlli_(gf

Fig. 6.6 A wideswing current mirror with enhanced output impedance. Current source
71, is typically set to the nominal or maximum input current, L.
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With the shown values for the W/L ratios, the power dissipation would be almost
doubled over that of a classical cascode current mirror, assuming Iy, is set to one-
seventh the nominal or maximum input current value, I;,. However, it is possible to
bias the enhancement circuitry at lower densities and thereby save on power dissipa-
tion, albeit at the expense of speed, as the additional poles introduced by the enhance-
ment circuitry would then be at lower frequencies. :

A slightly modified version of the wide-swing enhanced output-impedance mir-
ror is shown in Fig. 6.7. This variation obtains the bias voltage of the cascode tran-
sistor of the input diode-connected branch from the bias-generation circuitry of
Fig. 6.2. This circuit suffers slightly with regard to large-signal de matching, but
has less power dissipation and area than the circuit of Fig. 6.6. Notice also that Q,
of Fig. 6.6 has now been separated into two transistors, Q, and Qs, in Fig. 6.7.
This change allows one to design an opamp without the output-impedance enhance-
ment, but with wide-swing mirrors. Then, when output-impedance enhancement is
desired, one simply includes the appropriate enhancement amplifiers and the only
change required to the original amplifier is to connect the gates of the output cas-
code mirrors of the appropriate current mirrors to the enhancement amplifiers rather
than the bias-generation circuit. Finally, it has been found through simulation that
the modified circuit of Fig. 6.7 is less prone to instability than the circuit of Fig. 6.6.

It is predicted that this current mirror will become more important as the newer
technologies force designers to use smaller power-supply voltages, which limit volt-
age swings. Also, the short-channel effects of newer technologies make the use of
current mirrors with enhanced output impedance more desirable. }

There are a couple of facts that designers shouldbe aware of when they use output- |
impedance enhancement. The first fact is that sometimes it may be necessary to add
local compensation capacitors to the enhancement loops to prevent ringing during tran-
sients. The second fact is that the inclusion of output-impedance enhancement can sub-
stantially slow down the settling times for large-signal transients. This is because during
large-signal transients, the outputs of the enhancement loops can slew to voltages very
different from those required after settling, and it can take a while for the outputs to

I Towe = Iin
" 4Ibias I ¢ * I
70 Ibias 70
Vieasen 0—{
o | g —ikq
L Q,
Q,

70 10 : 70
| |
QT T l__‘ lc)5 1 Q2

Fig. 6.7 A modified wide-swing current mirror with enhanced
output impedance.
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'_C&- 1 |'_"'—| K

1:K ‘
(a) (b) '

Fig. 6.8 (o) A symbol representing a current mirror. (b)
Example of a simple current mirror.

return to the necessary voltages. A typical settling-time difference might be around a
50-percent increase. Whether this is worth the substantial increase in gain (perhaps as
much as 30 dB or so) depends on the individual application.

Current-Mirror Symbol

It should now be clear that there are a number of different current-mirror circuits, each
having various advantages and disadvantages, that can be used in a particular circuit
application. Thus, from an architectural perspective, it is often desirable to describe a
circuit without showing which particular current mirror is used. In these cases, we
make use of the current-mirror symbol shown in Fig. 6.8(a). The arrow is on the input
side of the mirror, which is the low-impedance side (with an impedance typically
equal to 1/Q,,). The arrow also designates the direction of current flow on the input
side. The ratio, 1:K, represents the current gair of the mirror. For example, the cur-
rent mirror shown in Fig. 6.8(a) might be realized by the simple current mirror shown
in Fig. 6.8(b). Finally, it should be mentioned that for jlustrative purposes, some cir-
cuits in this book will be shown with a particular current mirror (such as the wide-
swing mirror) to realize a circuit architecture. However, it should be kept in mind that
similar circuits using almost any of the current mirrors just described (or described
elsewhere) are possible.

6.2 FOLDED-CASCODE OPAMP

Many modemn integrated CMOS opamps are designed to drive only capacitive loads.
With such capacitive-only loads, it is not necessary to use a voltage buffer to obtain a
low output impedance for the opamp. As a result, it is possible to realize opamps
having higher speeds and larger signal swings than those that must also drive resis-
tive loads. These improvements are obtained by having only a single high-impedance
node at the output of an opamp that drives only capacitive loads. The admittance
seen at all other nodes in these opamps is on the order of a transistor’s transconduc-
tance, and thus they have relatively low impedance. By having all internal nodes of
relatively low impedance, the speed of the opamp is maximized. It should also be
mentioned that these low node impedances result in reduced voltage signals at all
nodes other than the output node; however, the current signals in the various transis-
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tors can be quite large.! With these opamps, we shall see that the compensation is
usually achieved by the load capacitance. Thus, as the load capacitance gets larger,
the opamp usually becomes more stable but also slower. One of the most important
parameters of these modern opamps is their transconductance value (i.e., the ratio of
the output current to the input voltage). Therefore, some designers refer to these
modern opamps as transconductance opamps, or Operational Transconductance
Amplifiers (OTAs).

An example of an opamp with a high-output impedance is the folded-cascode
opamp, as shown in Fig. 6.9, The design shown is a differential-input single-ended out-
put design. Note that all current mirrors in the circuit are wide-swing cascode current
mirrors, discussed previously. The use of these mirrors results in high-output imped-
ance for the mirrors {compared to simple current mirrors), thereby maximizing the dc
gain of the opamp. The basic idea of the folded-cascode opamp is to apply cascode tran-
sistors to the input differential pair but using transistors opposite in type from those
used in the input stage. For example, the differential-pair transistors consisting of Q,
and Q, are n-channel transistors in Fig. 6.9, whereas the cascode transistors consisting
of Q; and Qg are p-channel transistors. This arrangement of opposite-type transistors
allows the output of this single gain-stage amplifier to be taken at the same bias-voltage
levels as the input signals. It should be mentioned that even though a folded-cascode
amplifier is basically a single gain stage, its gain can be quite reasonable, on the order
of 700 to 3,000. Such a high gain occurs because the gain is determined by the product

Q. ‘qua 04':1A |

Fig. 6.9 A folded<ascode opamp.

1. Because of their reduced voltage signals but large current signals, these types of opamps are sometimes
referred to as current-mode opamps.
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of the input transconductance and the output impedance, and the output impedance is
quite high due to the use of cascode techniques.

The shown differential-to-single-ended conversion is realized by the wide-swing
current mirror composed of Q, Q,, Qq. and Q,,,. In a differential-output design, these
might be replaced by two wide-swing cascode current sinks, and common-mode feed-
back circuitry would be added, as is discussed in a later section in this chapter.

It should be mentioned that a simplified bias network is shown so as not to com-
plicate matters unnecessarily when the intent is to show the basic architecture. In prac-
tical realizations, Q,, and I,;55; might be replaced by the constant-transconductance
bias network of Fig. 6.2. In this case, Vg, and Vg, would be connected t0 V5., and
V case-n» respectively, of Fig. 6.2 to maximize the output voltage signal swing.

An important addition of the folded-cascode opamp shown is the inclusion of two
extra transistors, Q,, and Q,,. These two transistors serve two purposes. One is to
increase the slew-rate performance of the opamp, as will be discussed in Example 6.2.
However, more importantly, during times of slew-rate limiting, these transistors pre-
vent the drain voltages of Q, and Q, from having large transients where they change
from their small-signai voltages to voltages very close to the negative power-supply
voltage. Thus the inclusion of Q,, and Q,; allows the opamp to recover more quickly
following a slew-rate condition.

The compensation is realized by the load capacitor, C, ., and realizes dominant-
pole compensation. In applications where the load capacitance is very small, it is nec-
essary to add additional compensation capacitance in parallel with the load to guarantee
stability. If lead compensation is desired, a resistor can be placed in series with C,.
While lead compensation may not be possible in some applications, such as when the
compensation capacitance is mostly supplied by the load capacitance, it is more often
possible than many designers realize (i.e., it is often possible to include a resistor in
series with the load capacitance).

The bias currents for the input differential-pair transistors are equal to I,4,/2.
The bias current of one of the p-channel cascode transistors, Q5 or Q,, and hence the
transistors in the output-summing current mirror as well, is equal to the drain current
of Q; or Q, minus Iy;,¢,/2. This drain current is established by Ij,;,¢; and the ratio of
(W/L),, or (W/L),, to (W/L),,. Since the bias current of one of the cascode tran-
sistors is derived by a current subtraction, for it to be accurately established, it is nec-
essary that both I,6, and I,5, be derived from a single-bias network. In addition,
any current mirrors used in deriving these currents should be composed of transistors
realized as parallel combinations of unit-size transistors. This approach eliminates
inaccuracies due to second-order effects caused by transistors having non-equal
widths.

Small-Signal Analysis

In a small-signal analysis of the folded-cascode amplifier, it is assumed that the differ-
ential output current from the drains of the differential pair, Q,, Q,, is applied to the
load capacitance, C| . Specifically, the small-signal current from Q, passes directly
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from the source to the drain of Q, and thus C_, while the current from Q, goes indi-
rectly through Q; and the current mirror consisting of Q, to Q,,%. Although these two
paths have slightly different transter functions due to the poles caused by the current
mirror, when an n-channel transistor current mirror is used, a pole-zero doublet
occurs at frequencies quite a bit greater than the opamp unity-gain frequency and can
usually be ignored. Hence, ignoring high-frequency poles and zero, the approximate
small-signal transfer function for the folded-cascode opamp is given by

Voul(s
Ay = Voi:t((s)) = gmZu(s) (6.27)
Here, g, is the transconductance of each of the transistors in the input differential
pair and Z (s) is the impedance to ground seen at the output node. This impedance
consists of the parallel combination of the output load capacitance, the impedance of
any additional network added for stability, and the output impedance of the opamp
(i.e., looking into the drains of Q, and Q). Thus, when the compensation is realized
by the output capacitance only, we have

mir
AV - ml'out

oo (6.28)
1+sr,,,C,

where ry,, Is the output impedance of the opamp. This impedance is quite high, on
the order of g,.,rys/ 2 or greater if cutput-impedance enhancement is used.

For mid-band and high frequencies, the load capacitance dominates, and we can
ignore the unity term in the denominator and thus have

Imi
= — 6.29
30, (6.29)
from which the unity-gain frequency of the opamp is found to be
Imi
W, = — 6.30
'S T, (6.30)

Therefore, for large load capacitances, maximizing the transconductance of the
input transistors maximizes the bandwidth, assuming the load capacitance is large
enough so that the unity-gain frequency is much less than the limit imposed by the
second poles. The transconductance of the input transistors is maximized by using
wide n-channel devices and ensuring that the input transistor pair’s bias current is
substantially larger than the bias current of the cascode transistors and current mirror.
Note that this approach also maximizes the dc gain (i.e., Qy, Foy ) sSince not only does
it maximize g, but it also maximizes r,,, by resulting in all transistors connected to
the output node being biased at lower current levels (for a given total power dissipa-
tion). A practical upper limit on the ratio of the bias currents of the input transistors (o
the currents of the cascode transistors might be around four or so. If too high a ratio is
used, the bias currents of the cascode transistors cannot be well established since they

2. This is based on the assumption that s and gy, are much larger than g4, and gy,
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are derived by current subtractions. Another advantage of having very large transcon-
ductances for the input devices is that the thermal noise due to this input pair is
reduced. Thus, since much of the bias current in folded-cascode opamps flows
through the input difterential pair, these opamps often have a better thermal noise per-
formance than other opamp designs having the same power dissipation.

When the load is a series combination of a compensation capacitance, C|, and a
lead resistance. R, the small-signal transfer function is given by

gml - gm](l+SRCCL)

Ay = = 6.31
VT 1 sC, 3D

—_—t ——
frout Re+1/8C,

where the approximate term is valid at mid and high frequencies. Here we see that, as
in Chapter 5, R¢ can be chosen to place a zero at 1.2 times the unity-gain frequency.

The second poles of this opamp are primarily due to the time constants introduced
by the impedance and parasitic capacitances at the sources of the p-channel cascode
transistors, Q, and Q.. The impedances at these nodes is one over the transconduc-
tances of the cascode transistors.® Since p-channel transistors are used here, possibly
biased at lower currents, these impedances are typically substantially greater than the
source impedances of most N-channel transistors in the signal path. As a consequence,
when high-frequency operation is important, these impedances can be reduced by
making the currents in the p-channel cascode transistors around the same level as the
bias currents of the input transistors. The parasitic capacitance at the sources of the
cascode transistors is primarily due to the gatg-source capacitances of the cascode
transistors as well as the drain-to-bulk and drain-to-gate capacitances of the input
transistors and the current-source transistors Q; and Q,. Therefore, minimizing junc-
tion areas and peripheries at these two nodes is important.

Slew Rate

The diode-connected transistors, Q, and Q,3, are turned off during normal operation
and have almost no effect on the opamp. However, they substantially improve the
operation during times of slew-rate limiting [L.aw, 1983], To appreciate their benefit,
consider first what happens during times of slew-rate limiting when they are not
present. Assume there is a large differential input voltage that causes Q, to be turned
on hard and Q, to be turned off. Since Q) is off, all of the bias current of Q, will be
directed through the cascode transistor Qs, through the n-channel current mirror, and
out of the load capacitance. Thus, the output voltage will decrease linearly with a
slew-rate given by

3. This is true only at high frequencies, where the output impedance of the amplifier is small due to the load
and/or compensation capacitance. This is the case of interest here. At low frequencies, the impedance lock-
ing into the source of Qy is given by Ry, = 1/91 + B /{Gmalqss). where R is the resistance seen
looking out the drain of G,
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_ Lo
C.

Also, since all of I;,; is being diverted through Q, and since this current is usually
designed to be greater than I, both Q, and the current source Ip;,.» will go into the
triode region, causing lp;,s, to decrease until it is equal to Ips. As a result, the drain
voltage of Q, approaches that of the negative power-supply voltage. When the opamp
is coming out of slew-rate limiting, the drain voltage of Q, must slew back to a volt-
age close to the positive power supply before the opamp operates in its linear region
again. This additional slewing time greatly increases the distortion and also increases
the transient times during slew-rate limiting (which occurs often for opamps used in
switched-capacitor applications).

Next, consider the case where the diode-connected transistors, Q,, and Q;, are
included. Their main purpose is to clamp the drain voltages of Q, or Q, so they
don’t change as much during slew-rate limiting. A second, more subtle effect dynam-
ically increases the bias currents of both Q; and Q, during times of slew-rate limiting.
This increased bias current results in a larger maximum current available for charging
or discharging the load capacitance. To see this increase in bias current, consider a
case similar to the one just described, where a large differential input causes Q, to be
fully on while Q, is off. In this case, the diode-connected transistor Q,, conducts
with the current through Q,, coming from the diode-connected transistor Q,,. Thus,
the current in Q,, increases, causing the currents in bias transistors Q, and Q, to also
increase, until the sum of the currents of Q,, and Q; are equal to the bias current
Tpias2. Note that the current in Q, also increases since it is equal to the current in Q.
This increase in bias current of Q, results in an increase of the maximum current
available for discharging C_ . In summary, not only are the voltage excursions less,
but the maximum available current for charging or discharging the load capacitance is
also greater during times of slew-rate limiting.

SR (6.32)

EXAMPLE 6.2

Find reasonable transistor sizes for the folded-cascode opamp shown in Fig. 6.9
to satisfy the following design parameters. Also find the unity-gain frequency
and slew rate, both without and with the clamp transistors. What would be a rea-
sonable size for a compensation resistor in series with C_, if lead compensation
were desired?

* Assume 12.5-V power supplies are used and limit the power dissipation of
the opamp to 2 mW.

*+ Set the ratio of the current in the input transistors to that of the cascode transis-
tors to be 4:1. Also, set the bias current of Q,; to be 1/30th that of Q; (or Q)
such that its current can be ignored in the power dissipation calculation.

* The maximum transistor width should be 300 um and channel lengths of
1.6 pm should be used in all transistors.
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All transistors should have effective gate-source voltages of around 0.25 V
except for the input transistors, whose widths should be set to the maximum
value of 300 pm. Also, round all transistor widths to the closest multiple of
10 pm, keeping in mind that if a larger transistor is to be matched to a smaller
one, the larger transistor should be built as a parallel combination of smaller
transistors.

Finally, assume the load capagitance is given by C, = 10 pF, and that
UnCox = 3u,Cpop = 96 HA/V™

Solution

The total current in the opamp, Iy , excluding the current in the bias network,
is equal to Ip; + Ip,, which is equal to 2(Ig, + Ipg). Defining Iz = Ips = Ipg
and noting that we are asked to make Iy, = 4Ip,, we have

Lot = 2{Ip; +Ips) = 2(4Ig + 1) = 10I; (6.33)
Since the power dissipation is specified to be 2 mW, we have

Lo Paiss”5 V
Ig =Ips = Ipg = —= = 2~ - 40 pA 6.34
B Ds D6 0 0 2 (6.34)
This bias current for Ig implies that Ip, = Ip, = 5Ips = 200 pA, and I, =
Ip, = 4lps = 160 pA. Now, we let all transistor channel lengths be 1.6 um.
This choice allows us to immediately determine the sizes of most transistors using

-

215,
[ﬂ} - ~bi (6.35)
L i KiCox Vi

and then round to the closest multiple of 10 in transistor widths, When the
widths found were larger than 300 pm, they were limited to 300 pm.
Table 6.1 lists reasonable values for the resulting dimensions of all transistors.
Note that the larger widths are exactly divisible by the smaller widths of a tran-
sistor of the same type and thus allows larger transistors to be realized as a par-
allel combination of smaller transistors. The width of Q;, was determined from
the requirement that I, = Ip3/30 = 6.6 pA. The widths of Q;, and Q,
were somewhat arbitrarily chosen to equal the width of Q,,. Note that, as
requested, the widths of the input transistors were set to a value of 300 um to
maximize their transconductance. The transconductance of the input transistors

Table 6.1 The transistor dimensions {in 1m) of
the opamp of Fig. 6.9.

Q, 30016 Q, 6016 Q 10716
Q, 30016 Q, 2016 Q, 10716
Q, 30016 Qp 20016 Q 1016
Q, 30016 Q, 20/1.6
Q, 60716 Q 2016
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is given by

It = 2IpuaCox(W/L), = 2.4 mA/V (6.36)
The unity-gain frequency of the opamp is given by

@ = ? = 2.4x10° rad/s = f, = 38 MHz (6.37)

L
A reasonable size for the lead resistor, R, in series with C, is given by

1 1
= = =347 Q 6.38
1.2C o, 1.2g., 638)

Re

The slew rate without the clamp transistors is given by

SR = I—Df = 20 V/us (6.39)
Co

When the clamp transistors are included, during slew-rate limiting, we have
Iz +Ips = lpiasz (6.40)

But
Ip; = 301g,, (6.41)

and
Ip;, = 6.6 A + 15, . {6.42)

Substituting (6.41) and (6.42) into (6.40) and solving for I, gives

IDI] = M (643)
31

which implies that the value of I, during slew-rate limiting equals 10.53 pA

and Ip; = Ips = 30Ip,, = 0.32 mA, which is substantially larger than the

slew current available without the clamp transistors. This larger bias current will

give a slew-rate value of

Ip,
SR = =% = 32 V/s (6.44)
C.

More importantly, the time it takes to recover from slew-rate limiting will be
substantially decreased.

6.3 CURRENT-MIRROR OPAMP

Another popular opamp often used when driving on-chip capacitive-only loads is
shown in simplified form in Fig. 6.10. It is immediately seen that all nodes are low
impedance except for the output node. By using good current mirrors having high
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1:K

< Kl

1
KI
o—j L2 ¢ :I: C.

':l Q, Q;

+

Vin )-—‘ 1:K
6 . -

Fig. 6.10 A simplified currentmirror opamp.

output impedance, a reasonable overall gain can be achieved. A more detailed exam-
ple of a current-mirror opamp is shown in Fig. 6.11.

The overall transfer function of this opamp will closely approximate a single-
pole operation. In a similar analysis to that given for the folded-cascode opamp, we
have

_ Vou(s) Kg. Z,(s) = KOmiFout _ Kgm,
V.. (s) met T+sr,,C, ~ sC_
The K factor is the current gain from the input transistors to the output sides of the
current mirrors connected to the output node. Using (6.45), we can solve for the unity-

gain frequency, resulting in

(6.45)

v

7 ( Va4 T Vout
g Q, Q. I Qyq :' |: Q,, C.
s — T
o hﬂ_—; =
? I, Qi3 Q4

lpis = Kl = KIp/2

Fig. 6.11 A currentmirror opamp with wideswing cascode current mirrors,
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_ Kgn K J2Ipp,Co(W/L),

o = = {6.46)
G C
It the power dissipation is specified, the total current,
Liotar = (3+K}p, (6.47)

is known for a given power-supply voitage. Substituting {6.47) into (6.46), we obtain

Ilotal
K 2( ) o (W/L
o - J T kM ox{ )1= K /2Liotalt,Cox(W/L), (6.48)

G J3+K C,
Obviously, for larger values of K, the opamp’s transconductance is larger (i.e.,
Kg,, ). and therefore, the unity-gain frequency is also larger. This simple result
assumes the unity-gain frequency is limited by the load capacitance rather than any
high-frequency poles caused by the time constants of the internal nodes. A practicai
upper limit on K might be around five. The use of large K values also maximizes the
gain for Ly, fixed since r,,, is roughly independent of K for large K.

In the circuit shown in Fig. 6.11, the important nodes for determining the non-
dominant poles are the drain of Q,, primarily, and the drains of Q, and Q,, sec-
ondly. Increasing K increases the capacitances of these nodes while also increasing
the equivalent resistances.* As a result, the equivalent second pole moves to lower
frequencies. If K is increased too much, an increase in C; will be required to keep
o, below the frequency of the equivalent second pole to maintain stability. Thus,
increasing K decreases the bandwidth when the equivalent second poles dominate. In
the case where the load capacitance is small, the equivalent second pole will limit
the unity-gain frequency of the opamp, and if it is very important that speed is maxi-
mized, K might be taken as small as one. From experience it has been found that a
reasonable compromise for a general-purpose opamp might be to let K = 2.

The slew rate of the current-mirror opamp is found by assuming there is a very
large input voltage. In this case, all of the bias current of the first stage will be diverted
through either Q, or Q,. This current will be amplified by the current gain from the
input stage to the output stage, (i.c., K }. Thus;during slew-rate limiting, the total cur-
rent available to charge or discharge C, is KI,. The slew rate is therefore given by

SR = K—Ib {6.49)
C

For a given total power dissipation, this slew rate is maximized by choosing a large K
value. For example, with K = 4 and during slew-rate limiting, 4/5 of the total bias
current of the opamp will be available for charging or discharging C,. This result
gives a current-mirror opamp superior slew rates when compared to a folded-cascode

4. Increasing K implies that the currents at the input sides of the current mirrors are smaller. for a given
total power dissipation. Also. the widths of transistors at the input sides of current mirrors will be smaller.
Both of these effects cause the transconductances of transistors at the input side of current mirrors to be
smaller, and therefore the impedances {in this case, 1/gm} will be larger.
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opamp, even when the clamp transistors have been included in the folded-cascode
opamp. Also, there are no problems with large voltage transients during slew-rate lim-
iting for the current-mirror opamp.

In summary, due primarily to the larger bandwidth and slew rate, the current-
mirror opamp is usually preferred over a folded-cascode opamp. However, it wiil
suffer from larger thermal noise when compared to a folded-cascode amplifier
because its input transistors are biased at a lower proportion of the total bias current
and therefore have a smaller transconductance. As seen in the chapter on noise, a
smaller transconductance results in larger thermal noise when the noise is referred
back to the input of the opamp.

EXAMPLE 6.3

Assume the current-mirror opamp shown in Fig. 6.11 has all transistor lengths
equal to 1.6 um and transistor widths as given in Table 6.2. Notlce that
K= 2. Assume C_ = 10 pF, p,C,, = 3u,C,, = 96 HA/V’ the total
power dissipation is specified to be 2 mW (ignoring the power dissipation of
the bias network, which would normally be small), and £2.5 V power supplies
are used.

Find the slew rate and the unity-gain frequency, assuming the equivalent
second pole does not dominate. Estimate the equivalent second pole, assuming
Cox = 192 {F/ pm’. Would it be necessary to increase C, if a 75° phase mar-
gin were required without using lead compensation? What if lead compensation
were used?

Solution
Since the total bias current is given by (3 + K)1,/2, we have

21 2Pgis/5 V
Ib - total = diss = 160 !-LA (6.50)
(3+K) 3+K)
Thus, the bias currents of all transistors, except those in the output stage, are
80 LA . The bias currents of transistors in the output stage are twice that of the
input stage, which is 160 pA. The transconductance of the input transistors is

Omi = 210 MnCox(W/L), = 1.7 mA/V (6.51)

Table 6,2 The transistor sizes (in um) for the
opamp used in Example 6.3.

Q, 30016 Q, 6016 Q 3016
Q, 30016 Q 120016 Q; 6016
Q, 6016 Q, 6016
Q, 6016 Q 12016
Q; 60/.6 Q, 30/1.6
Q, 6016 Q) 60/16
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The transconductance of the opamp will be K times this or 3.4 mA/V. The
unity-gain frequency is now given by

_ Kgm,

L

w, = 3.4x19"rad/s = f, = 54 MHz (6.52)
This result should be compared to the 38 MHz unity-gain frequency of the
2mW folded-cascode opamp of the previous example, showing that current-
mirror opamps are superior when driving large capacitive loads.

Continuing, the slew rate is given by

SR = K—Ib = 32 V/us {6.53)
C.
which compares favorably 1o 20 V/us for the folded-cascode opamp without
the clamp transistors (although 1t equals the value of 32 V/us for the folded-
cascode opamyp with the clamp transistors).

When estimating the equivalent second pole, the junction capacitances will
be ignored to simplify matters. In reality, the drain-to-bulk capacitances of the
input transistors could contribute a significant factor, and this amount can be
determined using simulation. The dominant node almost certainly will occur at
the drain of Q. The impedance at this node is given by

R, = 1/Qps = 229 kQ (6.54)

In addition, the capacitance will be primarily due to the gate-source capaci-
tances of Qs and Q4. We therefore have ]

Ci = Cges + Cysx = (1 +K)Cyqs (6.55)
resulting in
C, = (1+K)C, W, L;= 0.553 pF (6.56)
With these values of impedance, the time constant for this node is given by
1, = R,C, = 1.27 ns O (657)

In a similar manner. we can calculate the impedances and, hence, the time
constant for the drain of Q, to be R, = 229 kQ2, C, = 0.369 pF, and 1, =
R,C, = 0.85 ns. The other important time constant comes from the parasitic
capacitors at the drain of Q. Here. we have

R, = 1/g,,; = 1.86 kQ (6.58)

and
C, = Cgm + CgsH = (1+K)C W,s L,;= 0.276 pF (6.59)

resulting in 7; = 0.51 ns. The time constant of the equivalent second pole can
now be estimated to be given by

Togqg = Ty +To+ Ty = 2.6 ns (6.60)
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This result gives an equivalent second pole at the approximate frequency of

Preq = L = 3.8x10° rad/s = 21 x 61 MHz (6.61)
Taeq

If lead compensation is not used and a 75° phase margin is required, the
unity-gain frequency must be constrained to be less than 0.27 times the equivalent
second pole from Table 5.1 of Chapter 5. Specifically, the unity-gain frequency
must be less than 16.5 MHz. To achieve this unity-gain frequency, we need to
increase G by the factor 54 MHz/16.5 MHz, resulting in C, being 32.7 pF.

If lead compensation is to be used, the unity-gain frequency can be chosen
so that only a 55° phase margin is achieved before the lead resistor is added.
This approach would allow the vnity-gain frequency to be as high as 0.7 times
the equivalent second-pole frequency, which is 42.7 MHz . This unity-gain fre-
quency can be realized by increasing C, to 10 pF times 54 MHz/42.7 MHz,
resulting in the new value of C, being 12.6 pF. After the lead resistor is added,
the unity-gain frequency increases by about 20 percent to 51 MHz, which is
over a three times improvement as compared to when lead compensation is not
used. The benefits of lead compensation are obvious.

As a final comment, notice that the delay through the signal path from the
drain of Q, to the output (i.e., T, + T; = 1.36 ns) is approximately the same as
the delay through the signal path from the drain of Q, to the output, which is
T, = 1.27 ns. This near equivalence helps to minimize harmful effects caused
by the pole-zero doublet introduced at high frequencies (i.e., around the fre-
quency of the second pole) by the existence af two signal paths.

6.4 LINEAR SETTLING TIME REVISITED

We saw in Chapter 5 that the time constant for linear settling time was equal to the
inverse of w_, 45 for the closed-loop circuit gain. We also saw that @_, 45 is given by
the relationship

However, while for the classical two-stage CMOS opamp the unity-gain fre-
quency remains relatively constant for varying load capacitances, the unity-gain fre-
quencies of the folded-cascode and current-mirror amplifiers are strongly related to
their load capacitance. As a result, their settling-time performance is affected by both
the feedback factor as well as the effective load capacitance.

For the folded-cascode opamp, its unity-gain frequency is given by

Imi
@ = - (6.63)
t CL
whereas for a current-mirror opamp, it is equal to
I'<gml
oy = {6.64)
t CL
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:[CC I Croaa

Fig. 6.12 A general circuit for determining the
-3-dB frequency of a closed-loop amplifier.

Thus we see that for both these high-output impedance opamps, their unity-gain
frequency is inversely proportional to the load capacitance. To determine the —3-dB
frequency of a closed-loop opamp, consider the general case shown in Fig. 6.12. At
the opamp output, C,.,4 represents the capacitance of the next stage that the opamp
must drive, while C¢ is a compensation capacitance that might be added to maintain
a sufficient phase margin. At the input side, C, represents parasitic capacitance due
to large transistors at the opamp input as well as any switch capacitance.

The feedback network is due to capacitances C,, C,, and C, resulting in

1/[S(C, +C,)] c,

b= 17[s(C,+C)+ 1/(sC;)  C,+C,+C,

(6.65)

The effective load capacitance seen by the opamp output is found by analyzing this
circuit from a series-shunt feedback perspective. Specifically, treating the negative
opamp input as an open circuit, the effective load capacitance, C_, is seen to be given
by the parallel combination of C¢ and Cyg,g, as well as that seen looking into C,. The
capacitance seen looking into C, is equal to the series combination of C, together
with C, + C,,. Combining all these capacitances together, we have

C,(C,+C,)
CL=Cc+Clpg+—o——P 6.66)
L o+ Do + 5 C,+C, (
EXAMPLE 6.4
Consider the current-mirror opamp with no lead compensation in Example 6.3
being used in the circuit shown in Fig. 6.12 with C, = C, = Cg = Cyppy =
5 pF. What is the linear settling time required for 0.1 percent accuracy?
Solution

First, the gate-source capacitances of the input devices of the current-mirror
opamp can be calculated to be

Cger = 300x 1.6 1.92 fF/um® = 0.92 pF (6.67)

The capacitance seen looking into the inverting input of the opamp is one-half
this value since the gate-source capacitances of the two input devices are in
series. Thus, the parasitic capacitance, Cp, is 0.46 pF. Therefore, the effective
toad capacitance is given by
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Co=5+5+20%046) o6 oF (6.68)
5+5+046

which results in

_ Kgmi 2% 1.7mANV

o, = = = 2,70 x 10° rad/s 6.69
tT e, 12.61 pF " (069

or equivalently,
f, = 42.9 MHz (6.70)

Now, the feedback factor, Bl, 1s seen to be

5

= ——— =048 6.71
P 54+046+5 ©70
resulting in
T = L 7.8 ns {6.72)
Boy

Finally, for 0.1 percent accuracy, we need a linear settling time of 71 or 54 ns.

6.5 FULLY DIFFERENTIAL OPAMPS

Most modern high-performance analog integrated circuits make vse of fully differen-
tial signal paths. With opamps, this technique results in differential outputs as well as
inputs, and hence, they are referred to as fully differential opamps. One of the major
driving forces behind the use of fully differential signals is to help reject noise from
the substrate as well as from pass-transistor switches turning off in switched-capaci-
tor applications. The reason for this noise rejection is that if the circuit is built in a
symmetric manner (sometimes referred to as a balanced circuit), then ideally the
noise will affect both signal paths identically, and will then be rejected, since only
the difference between signals is of importance. In other words, the noise will have
no effect on the differential signal, which is the signal of interest, since both sides of
the differential signal see the same noise. In reality, this rejection only partially
occurs since, unfortunately, the mechanisms introducing the noise are usually nonlin-
ear with respect to voltage levels. For example, substrate noise will usually feed in
through junction capacitances, which are nonlinear with voltage. Also, the clock
feedthrough noise introduced by switches turning off usually has some voltage-
dependent nonlinearities that can cause more noise to feed into one path than the
other, thereby injecting a differential noise. However, almost certainly, the noise
rejection of a fully differential design will be much better than that for a single-ended
output design.

One drawback of using fully differential opamps is that a common-mode feed-
back (CMFB) circuit must be added. This extra circuitry is needed to establish the

293 of 720




6.5 Fully Differential Opamps 281

common-mode (i.e., average) output voltage. Ideally, it will keep this common-mode
voltage immovable, preferably close to halfway between the power-supply voltages,
even when large differential signals are present. Without it, the cormmon-mode volt-
age is left to drift, since, although the opamp is placed in a feedback configuration, the
common-mode loop gain is not typically large enough to control its value. Such is not
the case with differential signals as the differential loop gain is typically quite large.

As we will see in the next section, the design of a good common-mode feedback
circuit is nontrivial \EH;L)I[ usually must have a speed performance comparable to the
unity-gain frequency of the differential path. This speed requirement is necessary,
otherwise noise on the power supplies may be significantly amplified such that the
output signal becomes clipped (or distorted). Second}; straightforward continuous-
time designs often don't work when large differential signals are present, ‘which may
result in large common-mode signals being mjected Typlcally, these continuous-time
CMFB circuits are the major limitation on maximum allowable signals, often limiting
the signals substantially more than the differential signal-path circuitry does. Also,
even when swiiched-capacitor CMFB circuits (described in the next section) are used,
although the signal swings are not wsually limited, the CMFB circuitry is often a
source of noise injection amd can also substantially increase the load capacitance that
needs to be driven.

Another drawback of fully differential opamps is that in many designs, the. single-
ended slew-rate in one dlrectlon is substantially reduced when it is compared to that of
equivalent single-ended Guiput demgns This slew-rate reduction occurs because the ~
maximum crrent for slewing is often limited by fixed-bias currents in the output stages.
For example, in the fully differential amplifiers to Be presented shortly, the negative-
going current in the output stage is fixed. The unity-gain frequency, however, is usually
increased because one of the current-mirrors is typically eliminated from the signal
path.

Regardless of some of the limitations just described, a well-designed, fully differ-
ential amplifier works very well and can substantially improve the noise rejection. For
this reason, differential designs are becoming more and more popular, perhaps consti-
tuting a majority in new microcircuit designs.

Fully Differential Folded-Cascode Opamp

A simplified schematic of a fully differential folded-cascode opamp is shown in
Fig, 6.13. The n-channel current-mirror of Fig. 6.9 has been replaced by two cascode
current sources, one composed of Q; and Q, the other composed of Q, and Q. In
addition, a common-mode feedback (CMFB) circuit has been added. The gate voltage
on the drive transistors of these current sources is determined by the output voltage,
Vens ©F the common-mode feedback circuit. The inputs to the CMFB circuit are the
two outputs of the fully ditferential amplifier. The CMFB circuit will detect the aver-
age of these two outputs and force it to be equal to a predetermined value, as we shall
see in the next section.

Note that when the opamp output is slewing, the maximum current available for
the negative slew rate is limited by the bias currents of Q; or Q. If the CMFB circuit
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Fig. 6.13 A fully differential folded-cascode opamp.

is very fast, these will be increased dynamically to some degree during slewing, but
seldom to the degree of a single-ended output fully differential opamp. For this rea-
son, fully differential folded-cascode opamps are usually designed with the bias cur-
rents in the output stage equal to the bias currents in the input transistors. Also, to
minimize transient voltage changes during slew-rate limiting, clamp transistors Q,,
and Q,, have been added, as in the single- “ended ¢ design presented earlier. If these
transistors are not included (as has historically been the case), the time to recover
from slew-rate limiting of the folded-cascode amplifier can be comparatively poor.

Each signal path now consists of only one node in addition to the output nodes,
namely the drain nodes of the input devices. These nodes will most certainly be
responsible for the equivalent second poles. In cases where the load capacitance is
small, and it is important to maximize the bandwidth, a complementary design (i.e.,
n- and p-channel transistors and the power supplies interchanged) would be prefer-
able te maximize the frequency of the equivalent second poles. This complementary
circuit would result in the impedance at the drains of the input devices being the
inverse of the transconductance of n-channel transistors, rather than p-channel tran-
sistors, resulting in smaller impedances and therefore faster time constants. The
trade-off involved is that the opamp’s transconductance, and therefore the opamp’s
dc gain, would become smaller due to the input transistors now being p-channel
transistors. Also, the CMFB circuitry could possibly be slower, as the current
sources being modulated would also have to be p-channel drive transistors. In any
case, a complementary design is often a reasonable choice for high-speed fully dif-
ferential designs.
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Alternative Fully Differential Opamps

An alternative design is the fully differential current-mirror opamp, as shown in sim-
plified form in Fig. 6.14. As with the folded-cascode design, this circuit can be real-
ized as shown or in a complementary design, with p-channel input transistors,
N-channel current mirrors, and p-channel bias current sources. Which design is pref-
erable is primarily determined by whether the load capacitance or the equivalent sec-
ond poles are limiting the bandwidth, and by whether maximizing the dc gain or the
bandwidth is more important. n-channel inputs are preferable in the former case and
p-channel inputs are preferable in the latter case, for reasons similar to those dis-
cussed for the folded-cascode opamp. Also, n-channel input transistors will give
lower thermal noise (due to their larger transconductances), whereas p-channel inputs
will result in less opamp input-referred 1/f noise.

If a general-purpose fully differential opamp is desired, then this design with
large p-channel input transistors, a current gain of K = 2, and wide-swing enhanced
output-impedance cascode .mirrors and current sources is probably a good choice,
compared to all other fully differential alternatives.

One of the limitations of the fully differentizl opamps seen so far is that the max-
imum current at the output for single-ended slewing in one directign_is limited by
fixed current sources, It is possible to modify the designs to get bidirectional drive
capability at the output, as is shown in Fig. 6.15. This opamp is similar to the current
mirror design of Fig. 6.14, but now the current mirrors at the top (i.e., the p-channel
current mirrors) have been replaced by current mirrors having two outputs. The first

1:K

Voul

o—||:| Q, Q, T o_

CMFB

I Vis circuit

bias

¢ o bt e,

QSE'} _|: Vcntrl
v

Fig. 6.14 A hully differential currentmirror opamp.
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output has a current gain of K and goes to the output of the opamp, as before. The
second output has a gain of one and goes to a new N-channel current mirror that has a
current gain of K, where it is mirrored a second time and then goes to the opamp’s
opposite output, as shown. Assume now the differential output is slewing in the posi-
tive direction. For this case, the differential input will be very positive and the slewing
current going into V., will be Kl but due to the additional n-channel mirrors,
the current being sinked from V,_ will also be Kly,s. This circuit has an improved
slew rate at the expense of slower small-signal response due to the addition of the
extra outputs on the p-channel mirrors and the additional n-channel mirrors, although
in many applications this trade-off may be well merited. Of course, common-mode
feedback must be added to the circuit of Fig. 6.13.

A third alternative, which makes use of a class-AB input stage, is shown in
Fig. 6.16 [Castello, 1985]. Note here that for simplicity, the CMFB circuit is not
shown, although it is required. This design has two differential-pair input stages con-
nected in parallel. Each differential pair is composed of an n-channel and a p-channel
transistor, and some level-shift transistors. Specifically, one input stage consists of a
level-shift circuit composed of source follower Q; and diode-connected Q,, and a
differential pair consisting of p-channel transistor Q; and n-channel transistor Q,.
The other input stage consists of level shifter Qs and Q, and differential pair Q, and
Q. In addition, there are four current mirrors to sum the drain currents of all differen-
tial pair transistors at the output nodes. At each output node, currents originally com-
ing from the n-channel transistor of one differential pair and from the p-channel
transistor of the other differential pair are summed.

The advantage of the input stage in this opafp is that during slew-rate limiting,
one differential pair will turn off, but the total current in the other differential pair
will dynamically increase substantially. For example, assuming a large positive input

1:1 11
Vin+ O“l i—‘o Vin-
Vous O—¢ —0 Vour

bias

m@* X_’@TK—

Fig. 6.15 A fully differential opamp with bidirectional output drive.
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—0 Vout—

Fig. 6.16

A class AB fully differential opamp. CMFB circuit not shown.

voltage, the pair Q,, Q, turns off, while the current through the pair Q,, Q,
increases. As a result, the increased current through Q goes through a current mir-
ror to the V,, node, causing it to slew in a positive direction, whereas the current
from Q, goes through a current mirror to the V,,_ node, causing it to slew in a
negative direction. The currents at this time of slew-rate limiting will be much
larger than the small-signal bias currents, giving this opamp a very large slew-rale
performance. '

The disadvantage of this design is that the level-shift circuitry required at the
input increases the noise and adds additional parasitics, which contribute to the equiv-
alent second pole. In addition, the common-mode range of the input must remain at
least 2V, + 3V above the lower power supply (and typically higher for the slew-
rate performance to be maintained). This is a major problem when 5-V power supplies
are being used, and it effectively eliminates this design from consideration for use
with 3.3-V power supply voltages. However, for applications where the power-supply
voltages are large, the load capacitances are large, and the slew rate is very important,
this approach is quite reasonable.

Another alternative for a fully differential opamp is to use two single-ended out-
put opamps with their inputs connected in paralle! and each of their outputs being
one output side of the fully differential circuit. An example of such an approach
using current-mirror subcircuits is shown in Fig, 6,17, This design alse has a fairly
large slew rate when compared to the simpler fully differential current-mirror opamp
of Fig. 6.14, but has additional current mirrors and complexity. Another advantage
of this design is that the noise voltages due to the input transistors sum in a squared
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Fig. 6.17 A fully differential opamp composed of two single-ended output currentmirror opamps.
CMFB circuit not shown.

fashion, while the two signal paths sum linearly.” As a result, this design has an
improvement in signal-to-noise ratio of the input-referred gain by a factor of N2, or
3 dB. Also, the increase in total power dissipation is not significant when K is mod-
erately large. As for the previous design, the compensation of the common-mode
feedback loop is more difficult than for designs having fixed current sources biasing
the output stages. -

Another alternative design is shown in somewhat simplified form in
Fig. 6.18. The advantage of this circuit is that due to the use of both n-channel
and p-channel transistors in the two differential input pairs, the input common-
mode voltage range is increased [Babanezhad, 1988; Hogervorst, 1992; Coban,
1994]. This feature can be particularly important when low power-supply volt-
ages are being used. When the input common-mode voltage range is close to
one of the power-supply voltages, one of the input differential pairs will turn
off, but the other one will remain active. In an effort to keep the opamp gain rel-
atively constant during this time, the bias currents of the still-active differential
pair are dynamically increased. For example, if the input common-mode voltage
range was close to the positive power-supply voltage, Q; and Q, would turn
off, and Qg would conduct all of I;. This current would go through current mir-
ror M, and increase the bias current of the differential pair consisting of Q,
and Q,, which is still active. A similar situation occurs if the input common-
mode voltage is near the negative power-supply rail. With careful design, it has
been reported that the transconductance of the input stage can be held constant
to within 15 percent of its nominal value with an input common-mode voltage

5. See Chapter 4 regarding noise.
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Fig- 6.18 An opamp having railto-rail input common-mode voltage range. CMFB cir-

cuit not shown.

range as large as the difference between the power-supply voltages [Coban,
1994].

6.6 COMMON-MODE FEEDBACK CIRCUITS

Typically, when using fully-differential opamps in a feedback application, the applied
feedback determines the differential signal voltages, but does not affect the common-
mode voltages. It is therefore necessary to add additional circuitry to determine the
output commeon-mode voltage and to control it to be equal to some specified voltage,
usually about halfway between the power-supply veltages. This circuitry, referred to
as the common-mode feedback (CMFB) circuitry, 1s often the most difficult part of the
opamp to design.

There are two typical approaches to designing CMFB circuits—a continuous-
time approach and a switched-capacitor approach. The former approach is often the
limiting factor on maximizing the signal swings, and, if nonlinear, may actually in-
troduce common-mode signals. The latter approach is typically only used in
switched-capacitor circuits, since in conitnuous-time applications it introduces
clock-feedthrough glitches.

An example of a continuous-time CMFB circuit is shown in Fig. 6.19 [Martin,
1985; Whatly, 1986]. To illustrate its operation, assume a common-mode output volt-
age of zero and that V,, is equal in magnitude, but opposite in sign, to V. Fur-
thermore, assume the two differential pairs have infinite common-mode input
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Fig. 6.19 An example of a continuoustime CMFB circuit.

¢IB/2 + Al

rejection, which implies that the large-signal output currents of the differential pairs
depend only on their input differential voltages. Since the two pairs have the same
differential voltages being applied. the current in Q; will be equal to the current in
Q;, while the current in Q, will equal the current in Q. This result is valid indepen-
dent of the nonlinear relationship between a differential pair’s input voltage and its
large-signal differential drain currents. Now, letting the current in Q, be denoted as
Ip, = Ig/2 + A, where Ig is the bias current of the differential pair and Al is the
large-signal current change in Ip., the current in Q, is given by Ipy = (Ig/2) - Al
and the current in Qs is given by

Ips = Ipa+1p: = (Ig72+AD) + ((I1g72)-AD = I (6.73)

Thus, as long as the voltage V,, is equal to the negative value of V,_, the current
through diode-connected Q5 will not change even when farge differential signal volt-
ages are present. Since the voltage across diode-connected Qg is used to control the
bias voltages of the output stage of the opamps, this means that when no common-
mode voltage is present, the bias currents in the output stage will be the same regard-
less of whether a signal is present or not. Note, however, that the above result does not
remain valid if the output voltage is so large that transistors in the differential pairs
turn off.

Next consider what happens when a common-mode voltage other than zero
is present. For example, assume a positive common-mode signal is present. This
positive voltage will cause the currents in both Q, and Q, to increase, which

6

6. For this example, it is assumed that positive and negative power supplies are present and that the desired
common-mode voltage is zere. In a single-supply application, the gates of Q. and Q; would be connected
to a hias voltage equal to the desired output common-mode voltage.
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causes the current in diode-connected 05 to increase, which in turn causes its
voltage to increase. This voltage is the bias voltage that sets the current levels in
the n-channel current sources at the output of the opamp. Thus, both current
sources will have larger currents pulling down to the negative rail, which will
cause the common-mode voltage to decrease, bringing the common-mode voltage
back to zero {or almost zero). Thus, as long as the common-mode loop gain is
large enough, and the differential signals are not so large as to cause transistors in
the differential pairs to turn off, the common-mode output voltage will be kept
very close to ground.

The size of the differential signals that can be processed without one of the
differential-pair signals tuming off is maximized if the differential-pair transistors are
designed to have large effective gate-source voltages. Alternatively, source degenera-
tion can be used to allow them to have larger input signals without all of the current
being directed to one side of the differential pair. However, even when this maximiza-
tion is performed, the CMFB circuit still limits the differential signals to be less than
what can be processed by the rest of the opamp.

Finally, it should be noted that when realizing the CMFB circuit of Fig. 6.19, the
current sources Ig should be high-output impedance cascode current sources to ensure
good common-mode rejection of the two differential pairs.

A modified version of the CMFB circuit of Fig. 6.19 is shown in Fig. 6.20
[Dugue-Carillo, 1993]. This version adds an additional transistor (Q,) and an addi-
tional current source to make use of the other sides of the differential pairs, which were
previously unused in Fig. 6.19. This change effectively doubles the common-mode
gain of the circuit for little additional complexity. As reported in [Duque-Carillo,
1993], it has very good linearity (better than 0.01%).

Q
Vou 0—|

chrl <

Ig/2 Al ¢

Fig. 6.20 A modified CMFB circuit having twice the common-mode
gain as that of Fig. 6.19.
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Fig. 6.21 An alternative continuous-time CMFB circuit.

An alternative approach for realizing CMFB circuits is shown in Fig. 6.21 [Banu,
1988]. This circuit generates the common-mode voltage of the output signais (minus a
dc level! shift) at node V,. This voltage is then compared to a reference voltage, V 4,
using a separate amplifier. Although this approach works well, it has a major limita-
tion in that the voltage drop across the source-follower transistors Q,, Q, severely
limits the differential signals that can be processed (unless transistors with native
threshold voltages, such as 0.3 volts, are available). This limitation is particularly
important when small power-supply voltages are used. In addition, the additional
nodes of the common-mode feedback circuitry make the circuit slightly more difficult
to compensate, When bipolar transistors are available, as is the case in a BICMOS
process, this approach is much more desirabie.

An important consideration when designing CMFB circuits is that they be well
compensated. Otherwise, the injection of common-mode signals can cause them to
ring or even possibly become unstable. Thus, when the circuit is being designed, the
phase margin and step-response of the common-mode loop should be found and veri-
fied by simulation. Often, the compensation of the common-mode loop can be real-
ized using the same compensation capacitors used to stabilize the differential loop.
This - multipurpose compensation is achieved by connecting two compensation (or
loading) capacitors between the opamp outputs and ground (or some other reference
voltage). The other approach would be to use a single compensation capacitor con-
nected directly between the two outputs, but this method only compensates the differ-
ential loop. It should be mentioned that by having as few nodes in the common-mode
loop as is possible, compensation is simplified without having to severely limit the
speed of the CMFB circuit. For this reason, the CMFB circuit is usually used to con-
trol current sources in the output stage of the opamp, as opposed to the current
sources in the input stage of the opamp. The high speed of the CMFB circuit is neces-
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Vcmrl -—

Fig. 6.22 A switched<apacitor CMFB circuit.

sary to minimize the effects of high-frequency common-mode noise, which could be
amplified, causing the opamp outputs to saturate. Finally, it should be stated that
designing continuous-time CMFB circuits that are both linear and operate with low
power-supply voltages is an area of continuing research.

A third approach for realizing CMFB circuits is based on the use of switched-
capacitor circuits. An example of this approach is shown in Fig. 6.22 [Senderowicz,
1982; Castello, 1985]. In this approach, capacitors labelled C generate the average of
the output voltages, which is used to create control voltages for the opamp current
sources. The dc voltage across C, is determined by capacitors Cg, which are switched
between bias voltages and between being in parallel with Cs. This circuit acts much
like a simple switched-capacitor low-pass filter having a dc input signal, The bias volt-
ages are designed to be equal to the difference between the desired common-mode
voltage and the desired control voltage used for the opamp current sources.

The capacitors being switched, Cg, might be between one-quarter and one-tenth
the sizes of the nonswitched capacitors, C. Using larger capacitance values over-
loads the opamp more than is necessary during the phase ¢,, and their size is not criti-
cal to circuit performance. Reducing the capacitors too much causes common-mode
offset voltages due to charge injection of the switches. Normally, all of the switches
would be realized by mintmum-size n-channel transistors only, except for the
switches connected to the outputs, which might be realized by transmission gates (i.e.,
parallel n-channel and p-channel transistors both having minimum size) to accom-
modate a wider signal swing.

In applications where the opamp is being used to realize switched-capacitor cir-
cuits, switched-capacitor CMFB circuits are generally preferred over their continuous-
time counterparts since they allow a larger output signal swing.

6.7 CURRENT-FEEDBACK OPAMPS

The last type of opamp described in this chapter is referred to as a current-feedback
opamp. This type of opamp has become popular recently, particularly in applications
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where high gain and high speed are required [Comlinear, 1985; Bowers, 1990]. One
of this opamp’s advantages is that its closed-loop gain can be changed, when used in a
feedback application, without significantly affecting its loop gain. Because of this fea-
ture, a single compensation capacitor of one size can be used irrespective of the gain
selected. As will be seen, the opamp is similar to many of the high-speed CMOS
opamps described above, in that all nodes are low impedance except for the node
where the compensation capacitor is located. Currently, the most popular technology
used for realizing curreni-feedback opamps is a high-speed complementary-bipolar
technology having vertical pnp transistors that have speeds comparable to vertical
npn transistors.

A simplified example of a current-feedback opamp is shown in Fig. 6.23, where
R, is the impedance at the output of the current mirrors. The input signal, Vi, is
applied to a high-impedance input, while a feedback current connects to a low-
impedance node labelled v,. The impedance seen looking into this low-impedance
node is on the order of 1/(2gm,)

Ignoring stability issues, the basic operation of this current-feedback opamp can
be understood as follows. The voltage at v, is equal to the input voltage, V,,, due to
the class-AB unity-gain buffer stage consisting of Q,, Q,, and the two diodes. Now
assuming R, is very large and ignoring Cg (which is included for compensation), a
small feedback current, i;, results in a large output voltage, V. Thus, during stable

In-i

f

11 Unity-gain
i buffer
—>
Q . 1 Vou
le. L
VI’I
Vin I R

= - 2>

Q; Feedback

< resistors
ig
Ry
1:1 L

Wilson current
mirror

Fig. 623 A currentfeedback opamp.
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operation, i; = 0 such that v, goes to a finite voltage value. Finally, v, is seen to
be related to v, = v;, due to the two resistors, R, and R,. Specifically, noting that
ir = 0, we have

Vin

— Voulfvin (6 74)
R, R, '

which can be rearranged to give the following input/output relationship:
cht Rl + R.?
= R

To understand the feedback nature of the current-feedback opamp, we make some
simplifying assumptions here. First, assume that the transistor current gain, f, is infi-
nite. Also assume that the impedance looking into the emitters of Q, and Q. which is
1/{9mi + Gm2). is much smailer than R, || R,. Finally, assume the feedback current,
is, splits equally between the two transistors Q, and Q,. Although this equal current
splitting assumption is unnecessary (since the two currents will add to i in any case),
it does make the explanation simpler.

The signal being fed back in the opamp is the signal current i; coming from the
feedback network of R, and R, and going into the emitters of Q, and Q,. Recalling
that v, = v, this current is given by
Vout = Vin Vin _ Vaut ( ; 1 J

Ik =1lp —lg = _RQ___R] = _R'? Vin ﬁ; R,
Now, with Q and Q, having infinite current gains, B,‘the collector currents of Q, and l
Q, are both equal to their bias currents, [. added to their fed-back signal currents,

/2. This current is mirrored by current mirrors whose outputs are summed at the
high-impedance node. Note that this high-impedance node sees an impedance to B
ground equal to the compensation capacitor, Ce, in parallel with a high resistance, ‘
R,. This resistance, R,, is large, typically on the order of (gmré)/4. The loop gain

for this circuit can be found by breaking the loop at the top of R, and injecting a sig-

nal, v,, at the top of R,. By breaking the loop at the low-impedance output of the

unity-gain buffer, there is only a small error in ignoring the loading effect of the feed-

back network. The loop gain is then equal to the ratio of V,,, to v,, while zeroing the

input signal, v;,. The loop gain, LG(Ss), is seen to be

{6.75)

Vin

(6.76)

*If Vou1
LG(s) = | — (6.77
The first term in (6.77) can be found using (6.76) for v, = 0 and letting V, = V.
We have
I ]
L 6.78
VTR (6.78)

assuming again that V, = V, . For the second term, note from Fig. 6.23 that the
small-signal portions of the currents from the current mirrors sum together and both
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flow out of the parallel combination of C, and R, resulting in

_It
V., = — " 6.79
o™ sCo+1/R, ©.79)
Substituting (6.78) and (6.79) into (6.77), we have
R,/R ‘ '
LG(s) = —2 2 = ] (6.80)

1+sC:R, sC¢R,

where the approximation is valid at high frequencies. Thus, we see here that the high-
frequency behavior of the loop gain is independent of R,. As a resuit, one can change
R, to realize various closed-loop gains without affecting the unity-gain frequency or
the closed-loop stability. Using (6.80), we see the unity-gain frequency, o, is given by

1
CcR.

To find the closed-loop transfer function, we can substitute (6.79) into (6.76) and
simplify to obtain

o = (6.81)

Vout 1/R,+1/R, R.(R, +Ry) i
Ay(s) = —/— = = ( ) (6.82)
Vi, 1/R;+1/R,+sC;, (Ry,+R,)R\l+sC:(R,IIR,)
For R, >> R,, which is typically a good assumption, we have
A s)~F{‘+Hz 1 ) (6.83)
a(®) = R, (1 +sCcR, '
Thus, the —3-dB frequency of the closed-loop transfer function is given by
1
W agp = {6.84)

CoR,

which is the same as the unity-gain frequency of the open-loop response, and is inde-
pendent of R, and the low-frequency closed-loop gain. Therefore C can be chosen
once, for a given R,, and will remain optimum to a first-order approximation, irre-
spective of R, and the closed-loop gain. This independence is one of the main bene-
fits of using current-feedback amplifiers. Specificaily, they can attain very high 3-dB
frequency values for large closed-loop gains, or in other words, large gain-bandwidth
products. For example, if a current-feedback amplifier has a closed-loop gain of unity
and a -3-dB frequency of 100 MHz, it has a gain-bandwidth product of 100 MHz.
Now, by simply reducing R, the same amplifier might have a closed-loop gain of 20,
but its ~3-dB frequency remains near 100 MHz, and thus its gain-bandwidth product
is near 2 GHz! It should be noted here, though, that above 100 MHz the gain would
most likely fall off quite a bit faster than —20 dB/decade, since the nondominant poles
will be only somewhat greater than 100 MHz.

This compensation independence does not occur for the more common voltage-
feedback amplifiers. With voltage-feedback amplifiers, as the closed-loop gain is
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increased, the closed-loop —3-dB frequency is decreased by the same amountif the com-
pensation capacitor remains the same. As a result, the gain-bandwidth product for a
voltage-feedback amplifier remains constant for a given compensation capacitor. For
example, if a voltage-feedback amplifier has a closed-loop gain of unity and a —3-dB
frequency of 100 MHz, when the closed-loop gain is changed to 20, the —3-dB frequency
“lowers to 5 MHz. However, in this case, the gain above 5 MHz will fail off at —20 dB/
decade until somewhat greater than 100 MHz (when the nondominant poles come into
effect). In addition, it should be noted that for a given fixed closed-loop gain, voltage-
feedback amplifiers can achieve similar gain-bandwidth products to their current-feed-
back counterparts if one is allowed to change their compensation capacitor. Specificaily,
for larger closed-loop gains, the feedback factor B, and thus loop gain, is decreased; as
aresult, a smaller compensation capacitor can be used to obtain the same phase margin.
In most practical realizations of current-feedback amplifiers, Darlington-pair
transistors are used in the input stage to decrease the input bias currents required.
Unfortunately, this approach makes the opamp somewhat noisier and increases the
opamp input offset voltages somewhat. Another limitation is the requirement that R,
be taken much larger than the impedances looking into the emitters of Q, and Q,,
namely 1/(gm; + Om2)- As a result, Ry, and therefore R, as well, need (o be larger
than would be desired for optimum high-frequency performance. This limitation is
more severe in high-gain applications where R| << R,. Additionally, these current-
feedback opamps typically make use of a purely resistive feedback network and may
become difficult to compensate if reactive components (such as a capacitor) are used
in the feedback network. Regardless of these limitations, current-feedback opamps L
exhibit excellent high-frequency characteristics and dre quite popular in many video
and telecommunications applications,

6.8 SPICE SIMULATION EXAMPLES

In this section, simulation results for Example 6.2 and Example 6.3 are presented.

Simulation of Example 6.2

The circuit for Example 6.2 is shown in Fig. 6.24. First, the clamp transistors, Q,, and
Q3. are excluded. Bias voltages Vg, and Vg, are set such that all transistors are
active, and an ac analysis is performed to determine the unity-gain frequency. Next,
the opamp is placed in unity-gain configuration, and a step response is performed to
determine the slew rate. Finally, the clamp transistors are included, and the resulting
slew rate is determined.

NETLIST:
vdd | 0 dc 2.5
VS§S 2 0 dc-2.5
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Fig. 624 A foldedcascode opamp.

mll 3 3 1 1 PMOS w = i0um |} = 1.6um
ibias1 3 2 dc 6.6
m3 6 3 1 1 PMOS w = 300um ! = 1.6um
mé 7 3 1 1 PMOS w = 300um | = }.6um
mi 6 9 11 2 NMOS w = 300um | = 1.6um
m2 7 10 11 2 NMOS w = 300um | = 1.6um
ibias2 11 2 dc 320p
mS 13 8 7 1 PMOS w = 60um | = 1.6um
mb 14 8 6 1 PMOS w = 60um | = 1.6um
m7 13 15 16 2 NMOS w = 20um | = 1.6um
m3 14 15 17 2 NMOS w = 20um | = 1.6um
m9 16 13 2 2 NMOS w = 20um ! = 1.6um
mi0 17 13 2 2 NMOS w = 20um | = 1.6um
Cl 14 18 : 10p
Rc 18 0 347
vbl 8 0 dc 0.75
vb2 15 0 de -1
vinlQ 10 0 dcOacl
vin9 9 0 dc 0

The frequency plot of the folded-cascode opamp is shown in Fig. 6.25, where we
find that the unity-gain frequency occurs at about 40 MHz. The step response of the
folded-cascode opamp without clamp transistors is shown in Fig. 6.26{a), where we
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Fig. 6.25 Frequency plot of the foldedcascode
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Fig. 6.26 The step response of the folded-coscode opamp (o) without clomp tronsistors and (5] with
clamp transistors.

find the slew rate is about 23 V/us. The step response of the folded-cascode opamp
with clamp transistors is shown in Fig. 6.26(b), where we find that the slew rate is
now 27 V/us. While this slew-rate improvement is not that substantial, it should be
noted that the main advantage of including the clamp transistors is to help the opamp
recover from slew-rate conditions more quickly.

Simulation of Example 6.3

The circuit for Example 6.3 is shown in Fig. 6.27. First, an ac analysis is performed
to determine the unity-gain frequency. Then the opamp is placed in unity-gain
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Fig. 6.27 A current-mirror opamp.

configuration, and a step response is performed to determine the slew rate.

NETLIST:

vdd 1 0 de 2.5

V58S 2 0 dec -2.5

m5 4 3 1 1 PMOS w = 60um | = 1.6um

moé 7 6 1 1 -PMOS w = 60um | = 1.6um

m3 3 5 4 1 PMOS w = 60um | = 1.6um

md 6 5 7 1 PMOS w = 60um | = 1.6um

ml 3 9 8 2 NMOS w = 300um | = 1.6um
m2 6 10 8 2 NMOS w = 300um | = 1.6um
ib 8 2 160um

m7 11 6 1 1 PMOS w = 60um | = 1.6um

m8 12 3 1 1 PMOS w = 120um} = 1.6um
m9 14 5 11 1 PMOS w = 60um | = 1.6um

ml0 13 5 12 1 PMOS w = 120um | = 1.6um
mil 14 18 16 2 NMOS w = 30um | = 1.6um

ml2 13 18 17 2 NMOS w = 60um | = 1.6um

ml3 16 14 2- 2 NMOS w = 30um !l = 1.6um

ml4 17 14 2 2 NMOS w = 60um | = L.6bum

cl 13 V] 10p

vb2 5 0 dc 0.6

vbl 13 0 dc-1.24

vinl 9 0 dcOac i

vin2 10 0 dc O

The frequency piot of the opamp is shown in Fig. 6.238(a), where it 15 seen that
unity-gain frequency is about 50 MHz. The step response of the opamp is shown in
Fig. 6.28(h), where it can be determined that the slew rate is about 30 V/us.

311 of 720




Gain [dB]

6.9 References 299

a0

60

o

i
-0l

10

08- |

0.6- |

\ . 04d- !
4 i 1

1 I

1

Vout IV

. :
\ 02i f
~ .
\\ Q ;
\ . 02 . \
10 1 10° w0 10 10 ! e 3 4 5 &
Frequency [Hz] Time [s] M '0"
(a) )

Fig. 6.28 Simulation results for a current-mirror opamp. (a) Frequency response. (b} Step response.
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6.10 PROBLEMS

Unless otherwise stated, assume the following:

* n-channel MOS transistors:

UoCox = 92 HA/V’

Vin = 0.8V

v =05 ve:

rgs(€2) = 8 OOOL(um)/ Ip(mA) in active region

Cj=24x 107 pF/(pm)

stw =2.0x 10 pF/um

Cox = 1.9 %107 pF/(um)*

Cgs(overlap) - ng(ovedap) = 20x10° PF/le
* p-channel MOS transistors:

RoCox = 30 HA/V?

Vig = 09V

y= 08 yi72

Fae(E2y = 12 OOOL(um)/ ID(mA) in active region

Ci=45x 107 pF/(um)

Ciaw=25% 10 pF/um

Cox=19x10" * pF/(um)’

Cgs(overlap) - ng(overlap) = 2.0x 10 pF/p.Lm

6.1 Calculate the output impedance of the two-transistor diode-connected circuit
shown in Fig. P6.1 using small-signal analysis. Assume both transistors are in
the active region, ignore the body effect, and assume Q,.; = G2 Tast = Taso
and g rgg >> 1.

6.2 Assume n ischosen to be 1in Fig. 6.1 and all transistors are taken to be equal
sizes, except (W/L); is chosen so that Vpg; = Vpgy = Vg3 + 015V,
where Vg is chosen to be 0.2 V for all transistors except Q. Ignoring the
body effect, find the required size for all transistors assuming they all have
lengths equal to 1.6 um. Assume that I;,c= 50 LA.

6.3 What are the drain-source voltages of Q; and Q, from Problem 6.2 if the
lengths of Q, and Q, are decreased to | ym to maximize speed?
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L Fig. P6.1

What is the value required for Rg in Fig. 6.2 to give V43 = 0.2 V?

Assuming that i, is proportional to T-32, what would V4, be at 100 °C if
it was 0.2 V at 20 °C?

Assume that Rg from Fig. 6.2 has a temperature dependence of +0.3%/°C.
What would Vg4, be at 100 °Cif it was 0.2 V at 20 °C? Assume L, varies as
in Problem 6.5.

Using small-signal analysis and ignoring the body effect, show that the circuit
of Fig. 6.3 has an output impedance given by 7oy = G fgsifasa{l +A)
For the circuit shown in Fig. P6.8, using small-signal analysis, find the output
impedance. What is an upper limit on the output impedance assuming

Rg >> r; ? Compare this to the upper limit on the output impedance of a sim-
ple cascode mirror (i.e., A = 0) for the same case.

Rout
! ‘;
3

il
Vbias i

For the circuit shown in Fig. 6.6 with the W/L ratios shown and assuming all
lengths are 1.6 pm, estimate the output impedance. Assume that all current
sources are ideal and that I;, = 71, Compare this to the output impedance
of a wide-swing cascode current mirror where the gate of Q, was connected
10 V _,ec.n from the bias-generation circuitry of Fig. 6.2. Assume Iz5 =

50 pA.

For the folded-cascode amplifier shown in Fig. 6.9, with the transistor sizes
given in Table 6.1, find the unity-gain frequency and the slew rate. Assume

-

Fig. P6.8
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+2 V power supplies are used, that C is 10 pF, and that the power dissipa-
tion is I mW.

For the folded-cascode amplifier shown in Fig. 6.9, with the transistor sizes
given in Table 6.1, estimate the approximate frequency of the second pole
caused by the parasitic capacitances at the drains of Q, and Q,. Assume
12 V power supplies are used, that C, is 10 pF; and that the power dissipa-
tion is 1 mW. To simplify matters, junction capacitances can be ignored.
What should C,| be to achieve 70° phase margin? What would the corre-
sponding unity-gain frequency and slew rate be?

For the amplifier of Problem 6.11 with lead compensation, find the load
capacitance, C, for a 70° phase margin. What size resistor should be used?
What is the final unity-gain frequency and siew rate? Assume {ead compensa-
tion with @, = 1.2, improves the initial unity-gain frequency by 20 per-
cent and the phase margin by 30 degrees.

For the folded-cascode amplifier shown in Fig. 6.9, assume the bias currents
of Q, and Q, are K times greater than the bias currents in Q; and Q.
Assume the total bias current in the opamp, L5,4, 1s determined by a specified
power dissipation. Derive an equation for the unity-gain frequency in terms of
K and I,;,;. Then show that the unity-gain frequency is maximized by taking
K large.

Repeat Problem 6.13, but this time show that the dc gain is optimized by tak-
ing K large.

Derive an equation for the ratio of the unity-gain frequency of the folded-
cascode amplifier of Fig. 6.9 to the unity-gain frequency of the current-
mirror opamp of Fig. 6.11 in terms of K and 1, assuming both amplifiers
have the same size input transistors, total power dissipation, and load capaci-
tances. For the folded-cascode opamp, define K to be I,/ 1n;. What is this
ratio for K equal to 1, 2, and 47

Consider the current-feedback opamp described in Example 6.13, in a feedback
configuration shown in Fig. 6.12, withC, = 1 pFand C, = C¢ = Cjgpq =
5 pF. What is the linear settling time for 1 percent accuracy?

For the case described in Example 6.4, and assuming a current-mirror opamp
described in Example 6.3, also assume the input voltage is a 1-V step change.
Would the opamp slew rate limit? If so, how close must the output voltage
come to its final value before its output voltage rate of change is less than the
slew rate? How long would this take? How much longer would be required for
linear settling to 1 percent of the total voltage change at the output?

What are the single-ended slew rates of the fully differential folded-cascode
and current-mirror opamps, assuming K = 2 and the current densities are
the same as those of Example 6.2 and Example 6.3, respectively? Calculate
the slew rates in both the positive and the negative directions. Assume the
load capacitances are 10 pF between each output and ground. For the folded-
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cascode design, assume the clamp transistors Q;; and Q,, of Fig. 6.13
have not been included. Also, assume the current sources biasing the output
stages do not change during transients.

Derive the slew rate of the fully differential opamp of Fig. 6.15 in terms of
C., K, and Ipss.

Derive an equation for the unity-gain frequency of the fully differential
opamp shown in Fig. 6.16 in terms of K and I,

Assume the CMFB circuit of Fig. 6.19 has £2.5 V power supply voltages,
and that the current sources require 0.5 V across them in order to have all
transistors remain in the active regions. Ignoring the body effect, what V4
bias voltage should be used for the p-channel transistors to maximize signal
swing? What is the maximum single-ended signal swing before the gain of the
common-mode feedback circuitry goes to zero and why?

Repeat Problem 6.21, but do not ignore the body effect. Assume the n-wells
of the p-channel transistors are connected to Vpp. '

Derive the low-frequency gain of the current-feedback amplifier of Fig. 6.23
without assuming that the impedance looking into the emitters of Q, and Q,
Is zero.

Consider the circuit shown in Fig. P6.24, where a high-output-impedance
opamp is used. Capacitor C,, is the parasitic capacitance at the opamp input,
while C, is the output capacitance. Assuming linear settling, show that the
optimal value for minimizing the time constant of this circuit is given by

Ciont = JMC,C,
C,/M
C,

Vi o——f—

SRS

Fig. P6.24

Based on the results of Problem 6.24, derive 1.,, for M = 1, C, = 1 pF,
and C, = 0.05 pF. Sketch 1 for other values of C, between 0.1 pF and
1 pF.
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cascode design, assume the clamp transistors Q; and Q, of Fig. 6.13
have not been included. Also, assume the current sources biasing the output
stages do not change during transients.

Derive the slew rate of the fully differential opamp of Fig. 6.15 in terms of
CL’ K, and Ibias-

Derive an equation for the unity-gain frequency of the fully differential
opamp shown in Fig. 6.16 in terms of K and I,

Assume the CMFB circuit of Fig. 6.19 has 2.5 V power supply voltages,
and that the current sources require 0.5 V across them in order to have all
transistors remain in the active regions. Ignoring the body effect, what V_4
bias voliage should be used for the p-channel transistors to maximize signal
swing? What is the maximum single-ended signal swing before the gain of the
common-mode feedback circuitry goes to zero and why?

Repeat Problem 6.21, but do not ignore the body effect. Assume the n-wells
of the p-channel transistors are connected to V.

Derive the low-frequency gain of the current-feedback amplifier of Fig. 6.23
without assuming that the impedance looking into the emitiers of Q, and Q,
is zero. ‘

Consider the circuit shown in Fig. P6.24, where a high-output-impedance
opamp is used. Capacitor C,, is the parasitic capacitance at the opamp input,
while C, is the output capacitance. Assuming linear settling, show that the

- optimal value for minimizing the time constant of this circuit is given by

6.25
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Cl,opt = “MCDCP

C,/M
i

Fig. P6.24

Based on the results of Problem 6.24, derive 1, for M = 1, C, = 1 pF,
and C, = 0.05 pF. Sketch t for other values of C, between 0.1 pF and
1 pF.




CHAPTER

\ Comparators
P

Perhaps the second most widely used electronic components {after amplifiers) are
comparators. A comparator is used to detect whether a signal is greater or smaller than
zero, or to compare the size of one signal to another. As we will see in Chapter 13,
comparators are used in large abundance in A/D converters. They also find widespread
use in many other applications, such as data transmission, switching power regulators,
and others. In this chapter, we look at comparator design and practical limitations,
where a number of different approaches are discussed. First, we examine a simplistic
approach of using an open-loop opamp for a comparator. Although this approach is too
slow for practical applications, it is a good example to use when we discuss several
design principles for minimizing input- -offset voltage and charge-injection errors. A
number of other approaches are also déscribed, such as mu1t1ple stage comparators,
positive-feedback track-and-latch comparators, and fully differential comparators.
Finally, recent examples of both CMOS and bipolar comparator circuits are also
described.

7.1 USING AN OPAMP FOR A COMPARATOR

A simplistic approach for realizing a comparator is to use an open-loop opamp, as
shown in Fig. 7.1. The main drawback to this approach is the slow response time
since the opamp output has to slew a large amount of output voltage and setties too
slowly. However, temporarily ignoring this slow response time, we will first investi-
gate another problem due to input-offset voltage.

The simplistic opamp dpproach shown in Fig. 7.1 has a resolution limited to the
input-offset voliage of the opamp. This offset might be on the order of 2 mV to 5 mV
far typical MOS processes, which is inadequate for many applications. An alternative
architecture that can resolve signals with accuracies much less than the input-offset
voltages of opamps is shown in Fig. 7.2 [McCreary, 1975; Yee, 1978]. Although this
circuit has been used many times in early analog-to-digital converters, as we will see,

Vin
out

Fig. 7.1 A simplistic approach of using an
= open-loop opamp for a camparator.
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!

¢1a '
)j.:
93 $ S,
Vin O—t—4 I -
I /')I + ——-0 Vou
o l Bottom plate :

Fig. 7.2 Cancelling the offset voltage of a comparator—the comparator here must
be stable, with unity-gain feedback during ¢, . (04, is a slightly advanced version
of ¢, so that charge-injection effects are reduced.)

it is not preferable nowadays. However, it is a simple example that can be used to
illustrate many important design principles. The circuit of Fig. 7.2 operates as fol-
lows: During ¢, known as the reset phase, the bottom plate' of the capacitor C (i.e.,
the left side of capacitor C) is connected to ground, and the top plate is connected to
the inverting input of the opamp. At the same time, the output of the opamp is also
connected to the inverting input of the opamp by closing switch S,. Assuming the
opamp is ideal, this connection causes the capacitor to be charged to zero volts. Next,
during the comparison phase, the reset switch, S, is turned off, and the bottom plate
of the capacitor is connected to the input voltage. The opamp is now in an open-loop
configuration. If the input signal is greater than zero, the output of the opamp swings
to a large negative voltage. If the input signal is less than zero, the output of the
opamp swings to a large positive voltage. These twd cases are easily resolved and the
decision can be stored using a simple digital latch.

The limitations of this approach become apparent when one considers nonideal
opamps, which have finite gains and require compensation to be stable during the
reset phase.

EXAMPLE 7.1

Consider the case in which a 0.5-mV signal must be resolved using the circuit

shown in Fig. 7.2, where the opamp’s output should be 5 V. Assuming the

opamp’s unity-gain frequency is 10 MHz, find the maximum clocking rate of

the comparator circuit if reset and comparison phases are equal and if six time
. constants are allowed for settling.

Solution

After the comparison phase, the output of the opamp should have a 5-V dif-
ference between the cases in which the input signal is either —-0.25 mV or

1. The bottom plate of a capacitor has significant parasitic capacitance between it and ground. Therefore, it
is almost always connected to the less sensitive input side rather than 1o the critical amplifier side (see
Chapter 10),
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IA(W)! A

A, = 80 dB

[
i
i
I
I
|

- Frequency
fo=1kHz 10 MHz

Fig. 7.3 The open-loop fransfer function of the opamp used to
realize the comparator,

+0.25 mV.? As a result, the opamp gain must be at least 10,000 V/V. By
assuming that the dominant-pole compensation is used to guarantee stabil- f
ity during the reset phase, we obtain an open-loop transfer function for the 3
opamp similar to that shown in Fig. 7.3. Here, the —3-dB frequency of the i
opamp is given by

— = 1 kHz (7.1)

During the comparison phase, the output of the opamp will have a transient
response similar to that of a first-order system that has a time constant given by
1
—— = (L16 ms (7.2)
" 2nf 3 4B
If six time constants are allowed for settling during the comparison phase, then
approximately 1 ms is needed for the comparison phase. Assuming the reset
time is the same as the comparison time, the clock frequency can be no greater
than 500 Hz —a frequency that is much too slow for most applications.

One possibility for speeding up the comparison time is to disconnect the compen-
satlon capac1tor durmg the comparlson phase For example a snnpllﬁea opamp sche-
compensation when it is on dunng the reset phase, ¢1. Dunng the comparison phase,
Q, is turned off, which disconnects the compensation capacitor, C, thereby greatly
speeding up the opamp during this phase. Using this technique, it is possible to use

2. This assumes that £2.5-V power supplies are being vsed and that digital output values are the same as
the power-supply voltages, as is typical for CMOS. If a single power supply voltage of 5 V is used, then
analog ground can be considered tobe at 2.5 V.
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I out

Fig. 7.4 An opamp that has its compensation capacitor disconnected dur-
ing the comparison phase.

clock frequencies ten to fifty times greater than would otherwise be the case—perhaps
as high as 25 or 50 kHz in our example. If this is adequate, then the approach is rea-
sonabie. Unfortunately, this often isn't adequate, and other approaches, to be de-
scribed shortly, are necessary.

One superior aspect of the approach just described is that the input capacitor, C in
Fig. 7.2, is never charged or discharged during operation. Specifically, in phase ¢,, C
is always charged to O V. In phase ¢, the top plate, connected to the inverting input
of the opamp, is open-circuited at that time (as3uming the parasitic capacitors are
ignored), and the voltage across capacitor C remains at 0 V (in other words, the top-
plate voltage follows V). This approach greatly minimizes the charge required from
the input when V,, changes. If the switches attached to the bottom plate had their
phases interchanged, then the comparison operation would be noninverting, but now
capacitor G must be charged or discharged during the reset phase since the bottom
plate follows V;;, whereas the top plate remains at virtual ground. Normally, we like
to use a reasonably large input capacitor to minimize clock-feedthrough effects
(described in Section 7.2). This charging/discharging requirement puts severe con-
straints on the input signal source, and, thus, the clock phasing shown in Fig. 7.2
should be used. Besides, it is usually possible to tolerate an inverting comparison
since it can be made noninverting through the use of a digital inversion somewhere
else in the system.

Input-Offset Voltage Errors

One source of error is due to the input-offset voltage of the opamp. This input offset
might be caused by device mismatches or might be inherent in the design of the com-
parator. In switched-capacitor comparators, such as that shown in Fig. 7.2, input off-
set is not a problem since it is stored across the capacitor during the reset phase, and
then the error is cancelled during the comparison phase. To appreciate this cancella-
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During ¢, Bra

— 1l —0
¢1 i Voﬁ+ + Vom
+

- Vot
(a) =
During &, Vin + Vor A
1a
/o
LA S
Vln O II + - '_ov
Voﬁ + out
+
Voﬁ

(b} =

Fig. 7.5 The circuit configuration {a) during the reset phase, and {b} during the com-
parison phase, assuming the opamp has an inputoffset voltage given by V.

tion, assume the opamp has an input-offset voltage error that is modelled as a voltage
source in series with one of the opamp’s inputs. The circuit configuration during the
reset phase is shown in Fig. 7.5(a). Assuming the opamp gain is very large, then the
inverting input of the opamp is at the voltage V ;. which implies that the input capac-
itor is charged to V4 during this phase. Next, during ¢, as shown in Fig. 7.5(b), the
left side of capacitor C is connected to the input voltage. The right side of the capaci-
tor has a voltage given by V;, + V. which results in the comparator output becom-
ing negative if V,, is greater than zero or positive if V,,, is less than zero, regardless of
the value of V4. Not only does this technique eliminate input-offset voltage errors,
but it also minimizes errors caused by low-frequency 1/f noise, which can be large in
CMOS microcircuits. '

7.2 CHARGE-INJECTION ERRORS

Perhaps the major limitation on the resolution of comparators is due to what is
referred to as charge injection, also commonly called clock feedthrough. This error is
due to unwanted charges being injected into the circuit when the transistors turn off.
For the comparator in Fig. 7.2, the switches are normally realized by either n-channel
transistors alone or CMOS transmission gates (which consist of n-channel transistors
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in parallel with p-channel transistors, both of which must turn off). When MOS
switches are on, they operate in the triode region and have zero volts between their
drain and their source. When MOS switches turn off, charge errors occur by two
mechanisms. The first is due to the channel charge, which must ﬂow out from the
channel region of the transistor to the drain and the source junctions.” The channel
charge of a transistor that has zero Vg is given by

Qcy = WLC,, Vo = WLC, (Vs — V) (7.3)

This charge often dominates. The second charge (typically smaller, unless Vg is
very small) is due to the overlap capacitance between the gate and the junctions.

Figure 7.6 shows the comparator of Fig. 7.2, where the switches have been real-
ized as n-channel transistors. Also shown in Fig. 7.6 are the parasitic_capacitances
due to gale-drain and gate-source overlap capacitors. Fmally, although it is not shown
in Fig. 7.6, one should remember to include the channel charge dispersion of any tran-
sistors that change from being on to off.* In the circuit shown, all transistors are n-
channel, implying that the channel charge is negative.

Consider first when 03 turns off. If the clock waveform is very fast, the channel
charge due to Q, will flow equally out through both junctions [Shieh, 1987]. The
Qn/2 charge that goes to the output node of the opamp will have very little effect
other than causing a temporary glitch. However, the Q.72 charge that goes to the
inverting-input node of the opamp will cause the voltage across C to change, which
introduces an error. Since this charge is negative, for an n-channel transistor, the node -

- O ¥
r— 1T 1 8
CovS # # cha
- 1
CGV‘I _L 1 ov1 -*;r
4 T c Al
Vo_dt ' FT J A A
inO—2 i v
..|.. out
- —
ov2 —
o o——f o,

Cov2

HE-

Fig. 7.6 The comparator in Fig. 7.2, with nchannel switches and overlap parasitic
capacitances shown. Transistors turned on also have channel charge.

3. For a transistor in the triode region that has zero Vg . it doesn’t matter which junctions are called the
drain and the source, since both junctions are at the same potential.

4. Transistors also accumulate channel charge when turning on, but this does not typically affeet circuit
performance since the charge comes from low-impedance nodes.
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voltage V* will become negative. The voltage change due to the channel charge is
given by

(Qch/z) - _Veif3coxW3L3 _ (VDD_V!n)CoxW3L3
C 2C 2C

since the effective gate-source voltage of Q; is given by Vo= Vggy— Vin=
Vpp = Vin - The preceding voltage change in V” is based on the assumption that Q,
turns off slightly after Q; turns off. More will be said about this assumption shortly.

To calculate the change in voltage due to the overlap capacitance, it is first neces-
sary to introduce the capacitor-divider formula. This formula is used to calculate the
voltage change at the internal node of two series capacitors, when the voltage at one
of the end terminals changes. This situation is shown in Fig. 7.7, where it is assumed
that V;, is changing and we want to calculate the change in V,,; = V,. The series
combination of C, and C, is equal to a single capacitor, C,q, given by

AV” =

{(7.4)

Cog = 2 (7.5)
°C,+C,
When V,, changes, the charge flow into this equivalent capacitor is given by
AQqq = AV Cyq = AVini (7.6)
C,+C,

All of the charge that flows into C, is equal to the charge flow into C,, which is also
equal to the charge flow into C,. Thus, we have

AQCz AVinC]
C, C,+C,

This formula is often useful when calculating charge flow in integrated circuits. It

can be applied to the circuit of Fig. 7.6 to calculate the change in V” due to the

overlap capacitance of Q; when it turns off. For this case, we have C; = C,,,

C, = C, and AV, = —(Vpp—Vgg). This assumes the clock signals change from .
Vpp to Vgg. The change in V” due to the overlap capacitance is now found to be s
given by

AVout = AVCZ =

(7.7

—~(Vpp - Vss)Coy
COV + C

This change is normally less than that due to the change caused by the channel charge
since G, is small.

AV” = (7.8)

Vi, 0 1} ' 0 Vou
C

l+
G, I Vea = Vou

Fig. 7.7 A capacitor divider.
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EXAMPLE 7.2

Assume that a resolution of +2.5 mV is required from the circuit of Fig. 7.6. The
following values are given: C = 1 pF, C,, = 1.92 fF/(um)’, (W/L), =
10 pm/0.8 pm, Lo, = 0.1l um, Vi, = 0.8V, Vo, = 25V, and Vgg =
-2.5 V. What is the change in AV” when Q, turns off?

Solution

Using (7.4), we have AV” = -13.1 mV. The overlap capacitance is given by
Cov = WLL,Coy = 1.92 fF. Using (7.8), this gives a voltage change in AV”
of AV” = 9.6 mV, which is smaller than the change due to the channel
charge, but not insignificant. The total change is found by adding the two effects
so that AV” = -22.7 mV.

This result is on the order of 10 times greater than the value of +2.5 mV
that should be resolved. Clearly, additional measures should be taken to mini-
mize the effects of charge injection if this resolution is required.

Making Charge-Injection Signal Independent

The charge injection due to transistors Q, and Q, may cause temporary glitches,
but it will have much less effect than the charge-injection due 1o Q, if we assume
that Q, turns off slightly after Q, does [Haigh, 1983]. This time difference is the
reason why the clock voltage of Q, is denoted ¢, , whereas the clock voltage of Q,
is denoted ¢,,(9, advanced). The argument for this arrangement is slightly compli-
cated, but goes as follows: When Q, turns off, its charge injection causes a negative
glitch at V’, but this will not cause any change in the charge stored in C since the
right side of C is connected to an effective open circuit, assuming that Q, has
[ already turned off. Later, when Q, wrns on, the voltage V' will settle to V,,
\ regardless of the previous charge injection of Q,. Thus, the voltage at the left of C
is unaffected by the charge injection of Q,, and the voltage across C is also unaf-
fected by the charge injection of Q. Therefore, the voltage V” is unaffected by the
charge injection of Q,. This is not the case if Q, is turned off at the same time or
before Q is turned off. The charge injection of Q, has no effect for a simpler rea-
san-—the comparison has already been made when it turns off. In addition, its charge
injection has no effect when it turns on because the right side of C is connected to
an open circuit at that time, assuming the clocks do not overlap. In summary, by
turning off ¢, first, the _circuit is aﬁ"ected only by the charge injection of QLand
n 7y Of the other switches. ™
" Fig 78 shows @ simpte-digital circuit, originally developed by one of the authors
[Martin, 1980], that is capable of generating the desired clock waveforms. The wave-
forms ¢, and ¢, do not overlap with ¢, and 0,,. Also, ¢, will be advanced
slightly (by two inverter delays}, compared to ¢,.
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¢23 ¢2

Fig. 7.8 A clock generator suitable for generating the
desired clock waveforms for the comparator in Fig.
7.2

Minimizing Errors Due to Charge Injection

The simplest way to reduce errors due to charge injection is to use larger capacitors.
For our previous example, capacitors on the order of about 100 pF guarantee that the
clock-feedthrough errors are less than 0.5 mV. Unfortunately, this large amount of
capacitance would require a large amount of silicon area. Also, integrated capacitors
have parasitic capacitances between the bottom plate and the substrate that might be
about 20 percent of the size of the realized capacitor. Thus, a bottom plate capacitance
of about 20 pF would have to be driven by the #put circuits, which would greatly
slow down the circuits.

An alternative approach for minimizing errors due to charge injection is to use
fully differential design techniques for comparators, similar to what is often done for
opamps. A simple example of a one-stage, switched-capacitor, fully differential com-
parator is shown in Fig. 7.9. Ideally, when the comparator is taken out of reset mode,

¢2 ¢1a
2 C 2 a,
PR 3 (| T o
11
+ +
o ¢,
Vin Vout
0 =
I
I

@]

_ 2 _
3‘ Qs
ko 912

Fig. 79 A HIilly differential, single-stage, switched-capacitor
comparator.
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the clock feedthrough of reset switch Q;, matches the clock feedthrough of Q;,. In
this case, the common-mode voltage may be slightly affected, but the differential
input voltage is unaffected. The only errors now are due to mismatches in the clock
feedthrough of the two switches, which will typically be at least ten times smaller than
in the single-ended case. For this reason, virtually all modern integrated comparators
utilize fully differential design techniques.

A third alternative that can be used along with fully dlfferentlal design techniques
is to realize a multi-stage comparator [Poujois, 1978; Vittoz, 1985], where the clock
feedthrough of the first stage is stored on coupling capacitors between the first and
second stage, thereby eliminating its effect. The clock feedthrough of the second stage
can be stored on the coupling capacitors between the second and the third stages, and
so on. Although this technique is almost always used along with fully differential con-
figurations, we will explain the technique using single-ended configurations, for sim-
plicity. Consider the three-stage comparator shown in Fig. 7.10(a), along with the
appropriate clock waveforms shown in Fig, 7.10(b). Consider the time when ¢) drops
and the switch of the first stage has charge injection. Figure 7.11 illustrates this case,
along with the parasitic capacitances of the first-stage switch. When ¢} drops, Q,
injects charge into both the inverting input and the output of the first stage through
parasitic capacitors C,, and GC,,, respectively. The charge injected at the first stage

70 ¢;’ ¢’"
1
C1 o -

o—"o—o—1| S
1 ¢1j_ I >—4>—| I >_ I Vo
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Fig. 7.10 {a} A multi-stage comparator used to eliminate clock feedthrough errors, with [b) the appropri-
ate clock waveforms.
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Fig. 7.11 The first stage of the comparator in Fig. 7.10, when the first stage is injecting
charge.

output causes only a temporary glitch there. The charge injected at the inverting input -
causes this node to become negative. The amount by which this node voltage becomes
negative is calculated using the analysis method described previously. In any practical
case, this amount will be in the range of tens of millivolts, assuming that coupling
capacitors of around 1 pF are used. After the inverting input becomes negative, the
output of the first stage becomes positive by an amount equal to the negative transi-
tion of the inverting input multiplied by the first stage’s gain. However, at this time,
®7" is still high. Therefore, the second stage is still being reset and C, is charged up
to the output error caused by the clock feedthrough of the first stage, thereby eliminat-
ing its effect. In a similar manner, when ¢ turns off and the second stage goes from
closed-loop reset mode to open-loop comparison mode, the third stage is still in reset
mode and the clock feedthrough of the second stage is stored on coupling capacitor
C;. Finally, when the third stage turns off, its charge injection is not cancelled. How-
ever, the error it causes in resolving an input voltage to all three stages is equal to the
voltage transition at the inverting input of the third stage divided by the negative of
the gains of the first two stages (i.e., this is the input voltage needed to cancel the
effect of the clock feedthrough of the third stage coming out of reset mode).

In a variation on this multi-stage approach [Poujois, 1978], the first stage was not
resel. However, the input-offset voltage of the first stage was still cancelled by storing
it on coupling capacitors between the first and second stage during a reset mode. This
approach is described Section 7.4,

EXAMPLE 7.3

Assume all capacitors are 1 pF, transistor sizes are W/L = 10 um/0.8 pm,
Cox = L2 fF/(umy’, L, = 0.1 um, V,, = 08V, Vg = 2.5V, and
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Vgs = —2.5 V, and each stage has a gain of 20. What is the input-offset voltage
error caused by the clock feedthrough of the third stage when the third stage
comes out of reset?

Solution

The values used are identical to those used in Example 7.2. Therefore, the
charge injection at the inverting input of the third stage is the same as that found
in the solution to Example 7.2, or —22.7 mV. The input signal that can over-
come this 22.7 mV value is given by

227 mV
AA,

Thus, the equivalent input-offset voltage is 57 UV, which is much less than the
resolution found in Example 7.2 of 22.7 mV.

AV, =57 uv (7.9)

Speed of Multi-Stage Comparators

The approach just described can be used to realize very-high-resolution comparators,
especially when it is combined with fully differential circuit design techniques. How-
1 ever, this approach does have the limitation that it requires multiple-phase clock
: waveforms, which slow down the circuits.

Although the multi-stage approach is limited in speed due to the need for the sig-
nal to propagate through all the stages, it can still be reasonably fast because each of

the individual stages can be made to operate fast. Typically, each stage consists of a

single-stage amplifier that has only a 90° phase shift and therefore does not need

compensation capacitors (i.e., each stage has a 90° phase margin without compensa-
tion}. To see why this multi-stage approach can be fast, consider the simplified case of

a cascade of first-order, uncompensated inverters, as shown in Fig. 7.12. This circuit

is a very rough approximation of a multi-stage comparator when it is not being reset.

The parasitic load capacitance at the output of the ith stage is approximately given by

Cpi = CD_i+CgS_,+l (7.10)

cut

Vin 0— J»—' —i
TCP1I_ TCD2_I_ 7CpaI

Fig. 7.12 Reclizing a comparator by using a cascade of firstorder gain
stages.
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where C; is the output capacitance of the ith stage, which would normally be due to
junction capacitance, and Cgq ;,, is the gate-source capacitance of the input transistor
of the succeeding stage. Equation (7.10) will not necessarily be true for the last stage,
but the load of the last stage should be of the same magnitude. If one assumes the
stages are matched, then normally Cy; < Cgq ., since junction capacitances are usu-
ally less than gate-source capacitances, implying that one can usually assume

Cpi < 20gs-i (7.11)
The unity-gain frequency of a single stage is then on the order of
. Omi
o, ~ 7.12
i 2Cgs.i ( )

or larger, where g, is the transconductance of the input capacitor of the ith stage.
Thus, the unity-gain frequency of a single gain-stage is on the order of one-half the
unity-gain frequency of a single transistor. If one assumes the ith stage has a dc gain
A, and that the ith stage is well described by a first-order transfer function, then the
transfer function of a single stage is approximately given by

A
A(s) = —— (7.13)
where
J= o _Tm 7.14
N W T o 9

Thus, the —3-dB frequency of a single stage is on the order of one-half the unity-gain
frequency of a transistor divided by the gain of the stage. If one has a cascade of n
stages, then the overall transfer function is given by

Aga(s) = HAi(s) (7.15)

This result can be approximated by a first-order transfer function, where all higher-
order terms are ignored, resulting in

A (8) = ITA: __ M (7.16)
total = 1+Szl/mp-i - ]+nS/ﬁ)p_i .

Thus, a cascade of n stages has a time constant approximately given by

_2nACy,
T‘O‘al = - — = 2nA01T (7.17)

m

where Tr = Cyo/ gy, is the approximate transit time of a single transistor (i.e., I over
the unity-gain frequency of a single transistor). In other words, the time constant of
the cascade of first-order stages is approximately equal to n times the time constant
of a single stage, which is roughly given by 2A, times the transit time of a single tran-
sistor. This result should be compared to using a single opamp, which, for the same
overall gain, will have a time constant considerably greater than 2Ap times the transit
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time of a single transistor. Although the preceding speed estimate is valid for simple

single-ended stages only, the general principles apply to more complicated, fully dif-

ferential stages as long as each stage is first order and doesn’t require compensation.
Equation (7.17) can be simpiified further. Recall from Chapter 2 that

2
CgS = gCoxWL . (7.18)
for a transistor in the active region, and that

= J21,C o W/ )T (7.19)

We can substitute (7.18) and (7.19) into (7.17), and, after simple manipulation, arrive at

2r!/5'\anS _ 4nA L2

T = = (7.20)
o Im 3HaVen
where, again from Chapter 2,
Vo = 2o (7.21)
o HaCox(W/L) '

Equation (7.20) is very useful in quickly accessing the speed and resolution capabili-
ties of a given technology. It also gives some insight into designing comparators.
First, the effective gate-source voltages of input drivers of each stage should be as
large as possible. Second, the widths of the transistors are relatively unimportant,
assuming they are large enough so that Cgs dominates parasitic capacitances due to
interconnect and external loading.

EXAMPLE 7.4

Assume for a 0.8-um technology that A, = 20, n = 3, V4 = 0.5 V, and
Ky = 0.05 M’/V -'s. What is the maximum clocking frequency of the compar-
ator?

Solution

Using (7.20), we have Ty, = 4.1 ns. If we assume that 37 is required for each
half period, then a complete period requires 6T, which corresponds to a clock-
ing frequency of 40.1 MHz . The resolution is on the order of 5 V/ AS =0.625
mV. This corresponds fairly closely to state-of-the-art realized comparators in a
0.8-um technology.

7.3 LATCHED COMPARATORS

Modem high-speed comparators typically have one or two stages of preamplification
followed by a track-and-latch stage, as Fig. 7.13 [Yukawa, 1985] shows in simplified
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Fig. 7.13 A typical architecture for a high-speed comparator.

form for a CMOS implementation. The rationale behind this architecture is as follows:
The preamplifier or preamplifiers are used to obtain higher resolution and to minimize
the effects of kickback {which will be explained shortly). The output of the preampli-
fier, although larger than the comparator input, is still much smaller than the voltage
levels needed to drive digital circuitry. The track-and-latch stage then amplifies this
signal further during the track phase, and then ammplifies it again during the latch-
phase, when positive feedback is enabled. The positive feedback regenerates the ana-
log signal into a full-scale digital signal. The track-and-latch stage minimizes the total
number of gain stages required, even when good resolution is needed, and, thus, is
faster than the multi-stage approach just described.

The preamplifier typically has some gain, perhaps 4 to 10, although sometimes it
may simply be a unity-gain buffer, if very high speed but only moderate resolution is
required. The preamplifier usually does not have gains much greater than 10; other-
wise its time constant is too large and its speed is limited. It is not good practice to
eliminate “the preamplifier altogether since kickback into the driving circuitry will
then result in very limited accuracy.(Kickback denotes the charge transfer either into
or out of the inputs when the track-and-latch stage goes from track mode to latch
mode. This charge transfer is caused by the charge needed to turn the transistors in the
positive-feedback circuitry on and by the charge that must be removed to turn transis-
tors in the fracking circuitry off. Without a preamplifier or buffer, this kickback will
enter the driving circuitry and cause very large glitches, especially in the case when
the impedances seen looking into the two inputs are not perfectly matched.

In high-resolution applications, capacitive coupling and reset switches are also
typically included to eliminate any input-offset-voltage and clock-feedthrough errors,
in a manner similar to that described in Sections 7.1 and 7.2.

One very important consideration for comparators is to ensure that no memory is
transferred from one decision cycle to the next. For example, if a comparator toggles
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in one direction, it might have a tendency to stay in that direction. This tendency is
sometimes called hysteresis. In order to eliminate it, one can reset the different stages
before entering track mode. This might be achieved by connecting internal nodes to
one of the power supplies or by connecting differential nodes together using switches
before entering track mode. For example, the comparator shown in Fig. 7.13 has inter-
nal nodes of the latch reset to both Vpp and ground when the Vg, signal is low. Not
only does this eliminate memory, but it also sets the comparator to its trip point,
which speeds up operation when the comparator resolves small input signals.

Another consideration for comparators is that the gain should not be too large; oth-
erwise the time constants are too large, which limits the speed; ¢ espec1ally in track mode.

The track-and-latch stage has many variations. The circuitry shown in Fig. 7.13
should be considered only symbolic, although it will suffice in many applications.

Latch-Mode Time Constant

The time constant of the latch, when it is in its positive-feedback (i.e., latch) phase,
can be found by analyzing a simplified circuit consisting of two back-to-back invert-
ers, such as those shown in Fig. 7.14. If we assume that the output voltages of the
inverters are close to each other at the beginning of the latch phase, and that the invert-
ers are in their linear range, then each of the inverters can be modelled as a voltage-
controlled current source driving an RC load, as shown in Fig. 7.15, where Ay is the
low-frequency gain of each inverter, which has a transconductance given by
G,, = Ay/R_ . For this linearized model, we have

AVV -C Vi) _[ ¥ 7.22)
R’ Hdt ) IR, .

Vi Fig.7.14 Two backto-back inverters

y
—oq_ used as a simplified model of a track-and-
latch stage in its latch phase.

+ _L Ay
Vy _ R G R_Vx Fig. 7.15 A linearized model of the
I - track-and-latch stage when it is in its

lateh phase.
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and

dt | (R,
Multiplying (7.22) and (7.23) by R and rearranging gives

A dv Y
Yy, = _CL( VJ_ (_V] (7.23)

av,
T{E]-ﬁ' Vx = —AVVy (724)
and
av, ~
I(E}- V, = -AyY, (7.25)

where T = R_C_ is the time constant at the output node of each inverter. Subtracting
{7.25) from (7.24) and rearranging terms gives

[ ! J[d—AXJ = AV (7.26)

where AV = V, -V, is the voltage difference between the output voltages of the
inverters. Equation (7.26) is a first-order differential equation with no forcing func-
tion. Its solution is given by

AV = AV eh e (7.27)

where AV, is the initial voltage difference at the beginning of the latch phase. Thus,
the voltage difference increases exponentially in time with a time constant given by
T RC. C,

Theh = ——— =
T A-1 T Ay Gy
where, again, G, = A,/R_ is the transconductance of each inverter. Note that Ty,
is roughly equal to the inverse of the unity-gain frequency of each inverter.
In the case of MOS devices, normally the output load is proportional to the gate-
source capacitance of a single transistor, or specifically,

CL = K\WLGC,, (7.29)

(7.28)

Here, K, is a proportionality constant between 1 and 2. Also, the inverter transcon-
ductance is proportional to the transconductance of a single transistor, and is given by

w
Gm = Kzgm = KanCoxtVeﬁ (7.30)
where K, might be between 0.5 and 1. Substituting (7.29) and (7.30} into (7.28) gives
K, L2 L2
Tyen = — =K (7.31)
o Ko ln Ve * Mn Ve

where K, might be between 2 and 4. Note that (7.31) implies that T, depends pri-
marily on the technology and not on the design (assuming a reasonable design is used
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that maximizes V4 and minimizes C| ). Note also the similarity between (7.31) and
(7.20), the equation for the time constant of a cascade of gain stages. For a given tech-
nology, (7.31) is very useful in determining a rough estimate for the maximum clock
frequency of a latch-and-track comparator,

If it is necessary for a voltage difference of AV to be obtained in order for suc-
ceeding logic circuitry to safely recognize the correct owtput value, then, by using
(7.27), we find the time necessary for this to happen is given by

C AV i 2 AV,
Thch=_.£1n( '°9°]=K L h{ '°g'°} (7.32)

Gm AVO 3Flnveif AVO

If AV, is small, this latch time can be large, perhaps larger than the allowed time for
the latch phase. Such an occurrence is often referred to as metastability. In other
words, because its initial value is too small, the differential output voltage of the latch
does not increase enough to be recognized as the correct logic value by succeeding
circuitry. Sometimes, even when the initial voltage difference is large enough, it is
possible that circuit noise can cause the initial voltage difference to become small
enough to cause metastability.

EXAMPLE 7.5

Assume for a 0.8-um technology that Ky = 2.5, AV, = 10 mV, AV g =
2V, Vg = 0.5V, and y, = 0.05 M2/V=~s. What is the maximum clocking
frequency of the comparator?

Solution

Using (7.32), we have T, = 0.34 ns. Assuming this is half the total period
{which might be quite an optimistic assumption), the smallest possible period
for a track-and-latch might be 0.68 ns, which corresponds to a clocking fre-
quency of 1.5 GHz. In a typical comparator, the maximum clock rate would
probably be limited by the frequency response of the preamplifiers and the
track-and-tatch during the track phase, rather than by the speed of the latch dur-
ing the latch phase.

7.4 EXAMPLES OF CMOS AND BiCMOS COMPARATORS

This section describes a number of high-speed comparators that are currently popular.

The literature on integrated circuit technology has many examples of latched
comparators. For example, Fig. 7.16 shows a comparator presented in [Song, 1990].
This comparator has the positive feedback of the second stage always enabled. In track
mode, when the two diode-connected transistors of the gain stage are enabled, the gain
around the positive-feedback loop is less than one, and the circuit is stable, The com-
bination of the diode-connected transistors of the gain stage and the transistors of the
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Fig. 7.16 A twostage comparator that has a preamplifier ond o positive-feedback frack-and-

latch stage.

positive-feedback loop acts as a moderately large impedance and gives gain from the
preamplifier stage to the track-and-latch stage. The diode-connected loads of the
preamplifier stage give a limited amount of gain in order to maximize speed, while
still buffering the kickback from the input circuitry.

A second comparator is shown in Fig. 7.17 [Norsworthy, 1989]. This design also
uses diode-connected loads to keep all nodes at relatively low impedance (similar to
current-mode circuit-design techniques), thereby keeping all node time constants
small and giving fast operation. This design also uses precharging (o eliminate any
memory from the previous decision. For example, the positive-feedback stage is pre-
charged low, whereas the digital-restoration stage is precharged high, somewhat simi-
lar to what is done in Domino CMOS logic [Krambeck, 1982].

A third comparator was designed, fabricated, and characterized by K. Martin in
1984 (unpublished) and is shown in Fig. 7.18, with appropriate clock waveforms
shown in Fig. 7.19. This design eliminates any input-offset voltages from both the
first and second stages by using capacitive coupling. It also has common-mode feed-
back circuitry for the first preamplifier stage, which allows for input signals that have
large common-mode signals. Unlike in fully differential opamps, in fully differential
comparators, the linearity of the common-mode feedback circuitry is noncritical
since, whenever large signals are present (and the common-mode feedback circuitry
becomes nonlinear), there is no ambiguity in resolving the sign of the input signal.
This allows a simple differential pair to be used for CMFB circuitry. Measured (but
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Fig. 7.17 A two-stage comparator,

unpublished) performance of this circuit resulted in a (0.1-mV resclution at a 2-MHz
clock frequency, despite a very old 5-pum technology. The performance measured was
limited by the test set-up rather than by the circuitry.

A fourth comparator that is realized in a BICMOS technology and that exhibits
very good performance, is described in [Razavi, 1992]. Indeed, this comparator is one
of the better BICMOS designs to date. Tt is based on the idea that it is not necessary to
reset the first stage; the input-offset errors of the first stage can still be eliminated by
resetting the right side of the coupling capacitors between the first stage and the sec-
ond stage, assuming that the gain of the first stage is not too large [Poujois, 1978],
{Vittoz, 1985]. A simplified schematic of this comparator is shown in Fig. 7.20. Dur-
ing the reset phase, the inputs to the preamplifier are connected directly to ground (or
to a reference voltage), and the outputs of the coupling capacitors are connected to
ground as well. This stores any offset voltages of the first stage on the capacitors.
When the comparator is taken out of reset phase, then the effect of the clock
feedthrough of S and S on the input resolution is divided by the gain of the first
stage. In the realization described in [Razavi, 1992], the first stage is a BiCMOS
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Fig. 7.18 A two-stage comparator with capacitive coupling to eliminate inputoffset
voltage and clock-feedthrough errors, along with positive feedback for fast operation.

preamplifier, consisting of MOS source followers followed by a bipolar differential
amplifier and emitter-follower output buffers, as shown in Fig. 7.21. Notice that the
circuit operates between ground and a negative voltage supply. Note also that the
switches are realized using p-channel transistors. The track-and-latch stage has both a
bipolar latch and a CMOS latch, as shown in Fig. 7.22. During the reset phase, ¢, is
low and ¢, is high, X, and Y are connected to ground through switches M, and M,,
C, is discharged to the minus supply through M, and X, and Y, are discharged to
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Fig. 7.19 The clock waveforms required by the com-
parator in Fig. 7.18.
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Fig. 7.20 A simplified schematic of the comparator described in [Razavi, 1992].
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Fig. 7.21 A BiCMOS preamplifier,
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Fig. 7.22 The BiCMOS track-and-latch stage in [Razavi, 1992].

the minus supply through My and M,,. Also, at this time, M; and M, are off. Next,
¢, becomes high, which leaves X, and Y, floating and connects the outputs of the
preamplifier to its input signai. After a short delay, which is needed for the transient
response of the preamplifier, ¢, becomes low, which turns on M, , thereby activating
the positive feedback action of Q, and Q. This develops a differential voltage
between X, and Y, of about 200 mV, since C, is about one-fifth the size of C, and
C,. The offset of this bipolar latch is quite small, typically on the order of one milli-
volt or less. Also note that, when activated, the only power dissipated is that required
to charge C,—there is no dc power dissipation. A short time after the bipolar latch is
activated, the inverter connected to C, changes state, and its output voltage will drop.
This low voltage turns on M- and M,, which activates the CMOS part of the latch con-
sisting of cross-coupled M, and M and cross-coupled M, and Mg. The reasons for
including cross-coupled My and M are to prevent nodes X, and Y, from being dis-
charged very far from ground toward the minus power supply and at the same time to
amplify the 200-mV difference signal developed by the bipolar latch to almost a full-
level CMOS voltage change. Thus, the latch is accurate, relatively fast, and low
power. Also described in [Razavi, 1992] is an interesting CMOS-only comparator,
which is not described here, but which interested readers may investigate.

Input-Transistor Charge Trapping

When realizing very accurate CMOS comparators, an error mechanism that must be
considered is charge trapping in the gate oxide of the input transistors of the MOS
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Fig. 7.23 A comparator with litle hysteresis. {Hysteresis is caused by charge
trapping.)

comparators [Tewksbury, 1989]. When n -channel transistors are stressed with large
positive gate voltages, electrons can become trapped via a tunneling mechanism in
which electrons tunnel to oxide traps close to the conduction band. The time constant
for the release of these trapped electrons is on the order of milliseconds and is much
longer than the time it takes for them to become trapped. During the time they are
trapped, the effective transistor threshold voltage is increased. This leads to a compar-
ator hysteresis on the order of 0.1 to 1 mV. This effect correlates well with transistor
L/f noise and is much smailer in p -channel transistors. When very accurate compara-
tors are needed, charge trapping must be considered and minimized. One possible
means of minimizing this effect, assuming we have a BiCMOS technology, is
described in [Miller, 1990] and is illustrated in Fig, 7.23. A BiCMOS technology
allows diodes to be used in the input stage, which allows the inclusion of two addi-
tional small-current sources in the input stage; this guarantees that the p-channel input
transistors never turn off.> Also, by using p-channel input transistors, the charge trap-
ping is greatly minimized because p-channel transistors exhibit much less hysteresis
than n-channel transistors.

An alternative approach is to flush the input transistors after each use where the
junctions and wells of n-channel transistors are connected to a positive power supply
whereas the gates are connected to a negative power supply. This effectively elimi-
nates the trapped electrons [Swanson, 1993]. Alternatively, or in addition, two input
stages can be used for the comparator—a rough stage can be used during times when

5. p-channel {ransistors exhibit trapping for positive gate voltages since only ¢lectrons, and not holes, are
trapped. Therefore, to prevent trapping, they shouid never be tumed oft.
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large signals with overloads are possible, whereas a fine stage can be used during
times when accurate comparisons are necessary and it can be guaranteed that no large
signals are present [Swanson, 1993; Tan, 1990].

7.5 EXAMPLES OF BIPOLAR COMPARATORS

High-speed bipolar comparators are typically latched comparators, as shown previ-
ously in Fig. 7.13, where preamplifier and track-and-latch stages are used. A typi-
cal example is shown in Fig. 7.24 [Wakimoto, 1988]. The preamplifier is a simple
differential amplifier that might have a gain of around 5. Besides increasing the
resolution, this preamplifier helps to eliminate kickback from the track-and-latch
stage. The track-and-latch stage is very similar (o a current-mode digital latch. Dur-
ing track phase, the differential pair consisting of transistors Q; and Q, is
enabled and operates as a second differential amplifier. When latch mode is
enabled, I, is diverted to the differential pair consisting of Qs and Q. The
inputs to this third differential pair come from the outputs of the second differential
pair through emitter-follower buffers consisting of Qg and Q4. The outputs of the
third differential pair are connected back to the high-impedance output nodes in a
cross-coupled manner so that positive feedback results. When this positive feed-
back is enabled, it takes the initially-small differential voltage and quickly ampli-
fies it to between 0.4 and 0.6 V (depending on the logic levels being used). There
are two reasons for using the emitter-follower buffers. These buffers isolate the

>
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Track-and-latch stage

Fig. 7.24 A typical bipolar comparator.
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high-impedance nodes at the collectors of the second and third differential pairs
from the bhase-emitter capacitances of the third differential pair. They also isolate
the same high impedance nodes from the output load capacitance.

Another architecture for a bipolar comparator is shown in Fig. 7.25 [Van de
Plassche, 1988]. In this comparator, the input signals go to a differential pair that is
always turned on (even during the latch phase}. During the track phase, Q, and Q,
are on. They operate as common-base transistors, and therefore the comparator oper-
ates as a cascode amplifier during this phase. When the comparator goes into latch
mode, the collector current from the input transistors is redirected from the common-
base transistors to transistors Q; and Qg, which are connected in a positive-feedback
loop. Since the bias current of the input transistors is never turned off, the kickback
from them is greatly reduced without adding additional preamplifier stages. This max-
imizes the bandwidth during the tracking phase.

A third bipolar comparator is shown in Fig. 7.26. Although this comparator has
never been experimentally tested, it is used as an example to illustrate many compara-
tor design principles. A small current source is added to the tracking differential pair
so that this differential pair doesn’t turn off completely when the comparator is in
hold mode. This makes the comparator faster when it goes from hold mode into track
mode. Also, a cascode common-base stage is added just below the output voltages.
This stage is used to isolate the outputs from the positive-feedback loop. This in turn
allows for much smaller resistors to be used in the positive-feedback loop, which
speeds this loop up and eliminates the need for emitter-follower buffers in the loop.
Finally, a larger resistor is added between the emitters of the cascode transistors. This
resistor prevents the cascode transistors from turning off completely during the latch
phase, which also speeds up the transition from latch mode to tracking mode.

Fig. 7.25 A second bipolar comparator.
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Fig. 7.26 A third bipolar comparator.
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7.7 PROBLEMS

Unless otherwise stated, assume the following:

* n-channel MOS transistors:
UnCox = 92 HA/V?
Vi, =08V
y=05Vv"
fgs () = 8000 L (um)/ID (mA) in active region
C,=24x 10 pF/(um)
C =2.0x 10 pF/um
Cox =19x 10" pF/(um)’
Cgs(oveﬁap] = ng(overlap) = 20x 107 pF/pum

+ p-channel MOS transistors:
1,Cox = 30 pA/V?
Vip = 09V
y= 08 vz
rys (€2) = 12, 000 L (pm)/ID (mA) in active region
C,=45x 1o pF/(pm)
CJ ow = 2.5 % 10 pF/um
Cox = 1.9% 107 pF/{um)’
Cysioverlapy = Cqdcoverapy = 2.0 107 pF/um

7.1 A simple CMOS inverter is used as a comparator, as shown in Fig. P7.1.

Assume ¢, drops before ¢, drops, so that only the charge injection from Q,
need be considered. What is the change in V,,; due to this charge injection?
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Assume the transistors in the inverter have sizes chosen such that the inverter

threshold voltage is at Vpp/2 = 2.5 V (i.e., Ws/W, = u, /|, ), and that all
transistor lengths are 0.8 um. Also assume the inverter gain is —24 at

Vot = 2.5 V, and ignore overlap capacitance. Do not ignore the body effect

on the threshold voltage of Q, .

g2 um 4>
— Ko
¢2 ¢1a
d C, d
K E o Ay v
3 i oF 1 1 pF
¢'1o-{ Q, —— Q, C,
aopm ] |
5um = - =
Fig. P7.1

7.2 Assume that three stages of inverters identical to the inverter used in Problem
7.1 are cascaded as shown in Fig. 7.10. What is the input-voltage offset error
due to the charge injection of the reset switch of the last stage cnly?

7.3 Estimate the time constant for the inverter used in Problem 7.1 during its reset
phase and also during its comparison phase.

7.4 For the circuit shown in Fig. 7.10, find the voltages at each of the opamp inputs
atthe end of ¢], 07, ¢, ¢, and ¢,, where V; is the input and V; is the
error due to the reset switch of the ith opamp. Assume opamps are offset free
and that they remain in their linear region after their reset switch is opened.
Show that the overall input-referred clock feedthrough is given by
|Verr-3l /(AIAZ)‘

7.5 Repeat Problem 7.4 where offsets of the opamps are not ignored. What is the
input-referred offset and clock feedthrough?

7.6 Assume a MOS transistor’s unity-gain frequency is approximately given by

®, = gm/ Cgys . Find an expression for @, in terms of Vg4 and C,, . Assume
a single gain stage without compensation has a unity-gain frequency given by
®, = o,/ 2. Further assume that a comparator is realized by a cascade of
three stages, each having a gain of —15. If three time constants are required for
settling during the open-loop comparison phase, what is the maximum fre-
quency of operation for the comparator? What is the resolution? You may
assume that Vi = 0.25 V, u, = 0.05 M2/V . s, and that there are only
n-channel transistors in the signal path.

7.7 Give reasonable device widths of the comparator in Fig. 7.16 so that the first
stage has a gain of 5 and so that the latch-and-track stage has a gain of 10 when
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in track mode and a loop gain of 4 when in latch mode. Assume the input tran-
sistors are 25-um wide and that the bias current of the first stage is 0.1 mA .

7.8 Assume the comparator of Fig. 7.16 has the device sizes found in Problem 7.7.
Estimate the equivalent time constant when the comparator is in track mode. If
the input signal changes from 0 to 5 mV at time 0, how long would it take the
differential output voltage to change by 50 mV?

7.9 Consider the comparator in Fig. 7.16 with the device sizes found in Problem
7.7. Estimate the equivalent time constant of the latch-and-track stage when the
comparator is in latch mode. If the differential output voltage is 50 mV at the
beginning of the latch phase, how long would it take for the output voltage to
change to a differential voltage of 2 V?

7.10 What is the minimum power-supply voltage that can be used for the comparator
in Fig. 7.25 if the current source and the resistive loads both require 0.4 V across
them? You may assume that for the bipolar transistors Vg o = 0.3 V.

7.11 The CMOS (ransmission gate shown has an input voltage of 2.5 V when it turns
off. The W/L of the n-channel is 5 pm/0.8 pm and the W/L of the p-channel is
15 um/0.8 um. Assume the total parasitic capacitance between the output node
and ground is 50 fF, Vpp = 5 V, and that the clock signals change very fast. Also
ignore changes due to overlap capacitance. Estimate the change in output voltage
due to charge injection. What will the final output voltage be?

5V
ovl N
2

Vin Vout
5 [
5V 50 fF
ol

Fig. P7.11
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CHAPTER

Sample and Holds,
Voltage References, and
Translinear Circuits

In this chapter, some common analog building blocks are described other than those
already presented. Specifically, circuits to realize sample and holds, bandgap voltage
references, and translinear gain cells and multipliers are discussed. A sample and hold
(S/H) is used to sample an analog signal and to store its value for some length of time.
A bandgap voltage reference is often used to bias circuits or to supply a reference to
which other voltages are compared. A rranslinear gain cell is commonly used to cre-
ate an amplifier whose gain can be adjusted through the use of a controlling input cur-
rent. Finally, a translinear multiplier is realized by interconnecting two gain cells and
finds a variety of uses in applications such as a modulator (in a communication sys-
tem) or a phase detector (in a phase-locked loop).

-

8.1 PERFORMANCE OF SAMPLE-AND-HOLD CIRCUITS

Animportant analog building block, especially in data-converter systems, is the sample-
and-held-circuit. Before proceeding, it is worthwhile to mention that sample-and-hold
circuits are also often referred to as “track-and-hold” circuits. Normally, these two terms
are synonymous except for a few particular switched-capacitor sampie-and-hold cir-
cuits that do not have a phase where the output signal is tracking the input signal,
Sample-and-hold circuits are necessary components in many data-acquisition systems
such as A/D converters. In many cases, the use of a sample and hold (at the front of the
data converter) can greatly minimize errors due to slightly different delay times in the
internal operation of the converter.

Before discussing the basic principles of sample-and-hold circuits, it is necessary
to menzion some performance patameters used in characterization.

1. The first of these parameters is a sampling pedestal or a hold step. This is an
error that occurs each time a sample and hold goes from sample mode to
hold mode. During this change in operation, there is always a small error in
the voltage being held that makes it different from the input voltage at the
time of sampling. Obviously, this error should be as small as possible, Per-
haps more importantly, this error should be signal independent; otherwise
it can introduce nonlinear distortion.

334
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2. Another parameter is a measure of how isolated the sampled signal is from
the input signal during hold mode. Ideally, the output voltage wiil no longer
be affected by changes in the input voltage. In reality, there is always some
signal feedthrough, usually through parasitic capacitive coupling from the
input to the output. In well-designed sample and holds, this signal feed-
through can be greatly minimized.

3. A third important parameter is the speed at which a sample and hold can
track an input signal, when in sample mode. In this mode, a sample and hold
will have both small-signal and large-signal limitations due to its —3-dB
bandwidth and finite slew rate, respectively. Both the —3-dB bandwidth and
slew rate should be maximized for high-speed operation.

4. Yet another limitation (somewhat less important in high-speed designs) is
the droop rate in hold mode. This error is a slow change in output voltage,
when in hold mode, caused by effects such as leakage currents due to the
finite base currents of bipolar transistors and reverse-biased junctions. In
most CMOS designs, this droop rate is so small it can often be ignored.

5. A fifth limitation is aperture jitter or aperture uncertainty. This error is the
result of the effective sampling time changing from one sampling instance
to the next and becomes more pronounced for high-speed signals. Specifi-
cally, when high-speed signals are being sampled, the input signal changes
rapidly, resulting in small amounts of aperture uncertainty causing the held
voltage to be significantly different from the ideal held voltage.

Other performance parameters are also impc?rtam when realizing sample and
holds. These include parameters such as dynamic range, linearity, gain, and offset
error. Some of the mechanisms whereby these errors arise in particular sample and
holds are described in the next section using specific S/H examples. In addition, a
number of design principles whereby these errors can be minimized are explained.

Testing Sample and Holds

Before describing various S/H architectures, it is appropriate to first describe a popular
method for testing S/Hs, referred to as the bear test. This test consists of clocking the
S/H at its maximum clock frequency and applying a sinusoidal input signal that has a
frequency slightly different than the clock frequency.! The output of this system is de-
modulated to a low frequency equal to the difference between the frequency of the
clock signal and that of the input signal. This low-frequency signal is then charac-
terized using a spectrum analyzer or by digitizing it using a high-accuracy A/D con-
verter clocked at the difference frequency and then analyzed using a computer. The
test setup for 2 beat test is shown in Fig. 8.1. Example waveforms for the input signal,
the sampling signal, and the output signal of the sample and hold are shown in Fig, 8.2.

1. If the circuit being tested 1s; in fact, a track and hold, then the output of the track and hold would be re-
sampled by a second track and hold clocked on the opposite phase as the original.
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