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Preface 

For the past twenty years, numerous people have predicted there soon would be little 
need for analog circuitry because the world would rely on digital circuits. However, 
although many applications have indeed replaced much analog circuitry with their 
digital counterparts (such as digital audio), the need for good analog circuit design 
remains strong. For example, when digitizing physical signals, analog-to-digital and 
digital-to-analog converters are always needed, together with their associated anti­
aliasing and reconstruction filters. ln addition, new applications continue to appear in 
which speed and power-consumption requirements often demand the use of high­
speed analog front ends, such as digital communications over copper wires or wireless 
communication channels. Also as integrated circuits become larger due to system 
integration, it is much more likely that at least some portion of a modem integrated 
circuit will include analog circuitry required to interface to the real world. Often this 
analog circuitry, although it constitutes only a small portion of the total chip area, may 
be the limiting factor on overall system performance and the most difficult part of the 
IC to design. As a result, a strong industrial need for analog circuit designers contin­
ues. The purpose of this book is to help develop excellent analog circuit designers by 
presenting a concise treatment of the wide array of knowledge required by an inte­
grated circuit designer. 

Many refer to the designing and testing of high-performance analog circuits as 
a "mystical art". 1n other words, whereas digital design is relatively systematic, ana­
log design appears to be much more confusing and based on gut feelings. 1n addi­
tion, analog testing may sometimes seem to depend more on the time of day and 
phase of the moon rather than on concrete electrical properties. These thoughts 
about analog circuits usually occur when one is not familiar with the many funda­
mentals required to create high-performance analog circuits. A major goal of this 
book is to help take the mystery out of analog integrated circuit design. The authors 
believe that most experienced electrical engineers are capable of good design if they 
are familiar with the most important design principles. We have attempted to high­
light these principles throughout this text. Although many circuits and techniques 
are described, we have emphasized the most important and fundamental principles 
involved in realizing state-of-the-art analog circuits. Throughout this book, we give 
physical and intuitive explanations, and, although mathematical quantitative analy­
ses of many circuits have necessarily been presented, we have attempted not to miss 
seeing the forest because of the trees. 1n other words, this book attempts to present 
the critical underlying concepts without becoming entangled in tedious and over­
complicated circuit analyses. 
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vi Preface 

INTENDED AUDIENCE 

This book is primarily intended for use as a graduate-level textbook and as a reference 
for practicing engineers, although portions of lhis text are also useful for senior-level 
undergraduate courses. To appreciate the material in this book, it is expected that the 
reader has had at least one basic introductory course in analog circuits. Specifically, 
the reader should be familiar with the concept of small-signal analysis and have been 
exposed to basic transistor amplifier circuits. In addition, the reader should be com­
fortable working in the frequency domain (i.e., should be familiar with the Laplace 
transform) with possibly some knowledge of discrete-time signals. 

In a graduate course, this book might be used in many ways. The chapters of this 
book have intentionally been made mostly independent o that some chapters can be 
covered while others are skipped. Also, it has been found to be very easy to change 
the order of presentation. For example, if readers have a good modelling background, 
they might skip Chapter I. and if their discrete-time knowledge is good, Chapter 9 
might be assigned only as review. We believe that such flexibility is essential in pre­
senting textbooks for the later years of study. 

Here at the University of Toronto, we present the material in this book in a few 
courses. A senior-level undergraduate course in analog circuits assigns Chapters 1, 3, 
4, and 5, with the fundamentals and selected topics briefly covered from Chapters 6 
and 7, as well. Another senior-level undergraduate course on analog filters uses Chap­
ter 9 and the filter portion of Chapter l O after presenting filter basics. In a first-level 
graduate course, we presently assign Chapters 1-3 and 5-7, while a second-level grad­
uate course (often 1aken concurrently with the first course) assigns Chapters 4, 8-10, 
and 16. Chapters 9, I 0, and 1.5 are presently covered in a separate graduate course with 
other material on advanced analog filters. whereas Chapters 11- 14 (together with jour­
nal publications) are assigned in a data converters course. Furthermore, we have often 
modified this election and order from year-to-year with little difficulty. Note that 
some chapters are used in both undergraduate and graduate courses since many of our 
graduate students do not come from our undergraduate program. 

A secondary audience for this book includes recently graduated electrical engi­
neers who wish to rapidly increase their knowledge of modem analog circuit-design 
techniques. In fact, much of the material covered in this text was originally taught and 
reiined, over many years, in popular short courses offered to working engineers who 
realized the importance to their careers of upgrading their knowledge in analog circuit 
design. For this audience, we have put much effort into highlighting the most impor­
tant considerations when designing the various circuits, and we have also tried to 
include modern, well-designed examples and references to sources for further study. 

TEXT OUTLINE 

In Chapter 1, the basic physical behavior and m'qdelling for three integrated devices 
are presented-diodes, MOSFET transistors, and bipolar transistors. Here, many of 
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Preface vii 

the modelling equations are derived to give the reader some appreciation of model 
parameters and how they are affected as processes evolve. Models for the three 
devices are summarized in a table format for quick reference. 

In Chapter 2, issues associated with the manufacturing of a microcircuit are dis­
cussed. Emphasis is placed on CMOS fabrication, where details are given for a 
generic process. Layout and design rules are presented with respect to analog circuits 
where matching and noise considerations are important issues. This chapter concludes 
with a description of a destructive phenomenon known as latch-up. 

Fundamental building blocks of analog integrated circuits are discussed in Chap­
ter 3. Specifically, MOS current mirrors are presented as well as single-stage amplifi­
ers. A point to note here is that only active-load amplifiers are considered since these 
types of amplifiers occur more often than other types in integrated circuits. The last 
section in Chapter 3 presents SPICE simulation results for selected examples within 

the chapter. 
Noise analysis and modelling are discussed in Chapter 4. Here, we assume the 

reader has not previously been exposed to random-signal analysis, and thus basic con­
cepts in analyzing random signals are first presented. Noise models are then presented 
for basic circuit elements. Finally, a variety of circuits are analyzed from a noise per­
spective to give the reader some experience in noise analysis. 

In Chapter 5, the fundamental principles of basic opamp design are presented. To 
illustrate many of these principles, the design of a classic two-stage CMOS opamp is 
thoroughly discussed. A systematic compensation procedure, which also applies to 
many other opamp designs, is described. Also discussed here are methods to make the 
compensation and transconductance values quite stable. Finally, the chapter con­
cludes with SPICE simulation results for selected examples. 

Chapter 6 begins with a look at two advanced current-mirror approaches useful in 
low-power supply operation and in short-channel processes. Next, two modern high­
speed opamps are discussed followed by a presentation of fully differential design 
techniques and common-mode feedback circuits. These fully differential opamps are 
used in many modern industrial applications where high speed and noise are impor­
tant considerations. Next, current-feedback opamps are discussed. Their main advan­
tage is that they maintain relatively constant bandwidth while the closed-loop gain is 
changed. Once again, SPICE simulation examples are found at the end of this chapter. 

In Chapter 7, comparator design is discussed. Comparators are perhaps the sec­
ond most common analog building block after opamps. Here, the practical limitations 
of comparators are described as well as circuit techniques to improv~ performance. In 
addhion, examples of modem high-speed comparators are presented. 

In Chapter 8, some additional analog building blocks are covered. Specifically, 
sample-and-hold circuits are first covered, followed by bandgap voltage references, 
and the chapter concludes with bipolar translinear-gain and multiplier circuits. At the 
end of this chapter, all the main analog building blocks have been covered and the 
remaining material in the text deals with more system-level analog blocks. 

The basics of discrete-time signals and filters are presented in Chapter 9. This 
material is essential for understanding the operation of many modern analog circuits . 
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viii Preface 

such as switched-capacitor filters and oversampling converters. The approach taken 
here is to show the close relationship between the Z-transform and the Laplace trans­
form, thereby building on the reader's experience in the continuous-time domain. 

In Chapter 10, the basics of switched-capacitor circuits are described. Switched­
capacitor techniques are tbe most common approach for realizing integrated filters 
due to their high degree of accuracy and linearity. The chapter concludes with a 
description of other switched-capacitor circuits, such as gain stages, modulators, and 
voltage-controlled oscillators. 

In Chapter 11, the fundamentaJs of data converters are presented. Ideal converters 
are discussed first, and it is shown that quantization noise does not occur in DIA con­
verters but is a fundamental limit in AID converters. Signed codes are then presented, 
and the chapter concludes with a discussion of perfom1ance limitations. 

Popular Nyquist-rate DIA architectures are discussed in Chapter 12, with various 
approaches for reaJizing Nyquist-rate AID converters described in Chapter 13. The 
importance of data conversion cannot be overemphasized in today's largely digital 
world, and these two chapters discuss the main advantages and design issues of many 
modem approaches. 

OversampHng converters are presented separately in Chapter 14 due to the large 
amount of signal-processing concepts needed to properly describe these converters. 
Here, digitaJ issues (such as decimation filters) are also presented since good overall 
system knowledge is needed to properly design these types of converters. In addi­
tion, practical issues and recent new approaches (such as the use of multibit conver­
sion) are also discussed. This chapter concludes with a third-order AID converter 
example. 

Continuous-time filters are presently being applied to many new products, partic­
ularly in high-speed data-communication appHcations, and they are the focus of 
Chapter 15. Bipolar, CMOS, and BiCMOS approaches are described, followed by 
some tuning approaches. Finally, dynamic range measurement aspects of continuous­
time filters are discussed, such as THO, spurious-free dynamic range, and the third­
order intercept point. 

Finally, the text concludes with phase-locked loops in Chapter 16. Phase-locked 
loops are essentiaJ components for clock recovery in many digital and data communi­
cation circuits. Here, basic concepts and a simulation technique are presented for such 
systems. 
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CHAPTER 

Integrated-Circuit 
Devices and Modelling 

In this chapter, the operation and modelling of semiconductor devices are described. 
Although it is possible to do simple integrated-circuit design with a basic knowledge 
of semiconductor device modelling, for high-speed state-of-the-art design, an in­
depth understanding of the second-order effects of device operation and their model­
ling is considered critical. 

It is assumed that most readers have been introduced to transistors and their basic 
modelling in a previous course. Thus, fundamental semiconductor concepts are only 
briefly reviewed. Section I.I describes pn junctions (or diodes). This section is 
important in understanding the parasitic capacitances in many device models, such as 
junction capacitances. Section 1.2 covers MOS transistors and modelling. It should be 
noted that this section relies to some degree on the material previously presented in 
Section I. I, in which depletion capacitance is covered. Section 1.4 covers bipolar­
junction transistors and modelling. A summary of device models and important equa­
tions is presented in Section 1.5. This summary is particularly useful for a reader who 
already has a good background in transistor modelling, in which case the summary 
can be used to follow the notation used throughout the remainder of this book. In 
addition, a brief description is given of the most important process-related parameters 
used in SPICE modelling. Finally, this chapter concludes with an Appendix contain­
ing derivations of the more physically based device equations. 

1.1 SEMICONDUCTORS AND pn JUNCTIONS 

A semiconductor is a crystal lattice structure that can have free electrons (which are 
negative carriers) and/or free holes (which are an absence of electrons and are equiva­
lent to positive carriers). The type of semiconductor typically used is silicon (com­
monly called sand). This material has a valence of four, implying that each atom has 
four free electrons to share with neighboring atoms when fanning the covalent bonds of 
the crystal lattice. Intrinsic silicon (i.e., undoped silicon) is a very pure crystal structure 
having equal numbers of free electrons and holes. These free carriers are those electrons 
or holes that have gained enough energy due to thermal agitation to escape their bonds. 
At room temperature, there are approximately 1.5 x IO 

10 
carriers of each type per cm3

, 

or equivalently 1.5 x 1016 carriers/m3
. The number of carriers approximately doubles 

for every 11 °C increase in temperature. 

1 
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2 Chapter l • Integrated-Circuit Devices and Modelling 

If one dopes silicon with a pentavalent impurity (i.e., atoms of an element having 
a valence of five, or equivalently five electrons in the outer shell, available when 
bonding with neighboring atoms), there will be almost one extra free electron for 
every impurity atom. 1 These free electrons can be used to conduct current. A pentava­
lent impurity is said to donate free electrons to the silicon crystal, and thus the impu­
rity is known as a donor. Examples of donor elements are phosphorus, P, and arsenic, 
As. These impurities are also called n-type dopants since the free carriers resulting 
from their use have negative charge. When an n-type impurity is used, the total num­
ber of negative carriers or electrons is almost the same as the doping concentration, 
and is much greater than the number of free electrons in intrinsic silicon. In other 
words, 

(I.I) 

where nn denotes the free-electron concentration in n-type material and N0 is the 
doping concentration (with the subscript D denoting donor). On the other hand, the 
number of free holes in n-doped material will be much less than the number of holes 
in intrinsic silicon and can be shown [Sze, 198 I] to be given by 

' nc 
I 

Pn = No (1.2) 

Here, ni is the carrier concentration in intrinsic silicon. 
Similarly, if one dopes silicon with atoms having a valence of three, for example, 

boron (B), the concentration of positive carriers OJ holes will be approximately equal 
to the acceptor concentration, NA , 

(1.3) 

and the number of negative carriers in the p-type silicon, nP, is given by 

2 

EXAMPLE 1.1 

n; 
nP = -

NA 
(1.4) 

Intrinsic silicon is doped with boron at a concentration of 1026 atoms/m3. At 
room temperature, what are the concentrations of holes and electrons in the 
resulting doped silicon? Assume that n; = 1.5 x 10 16 carriers/m1 

Solution 

The hole concentration, Pp, will approximately equal the doping concentration (Pp = 
NA = 10

26 
holes/m

1 
). The electron concentration is found from (1.4) to be 

I. In fact, there will be slightly fewer mobile carriers than the number of impurity atoms since some of the 
free electrons from the dopants have recombined with holes. However, since the number of holes of intrin­
sic silicon is much less than typical doping concemrations, this inaccuracy is small. 
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Diodes 

1. 1 Semiconductors and pn Junctions 3 

16 2 

nP = ( 1.5 x 1 O ) = 2.3 x 106 electrons/m3 

1026 
( 1.5) 

Such doped si licon is referred to as p type since it has many more free holes 
than free e lectrons. 

To realize a diode, or, equivalently. a pn junction, one part of a semiconductor is 
doped n type, and a closely adjacent part is doped p type, as shown in Fig. 1.1. Here 
the diode, or junction, is formed between the p+ r~n and the n region. It should be 
noted that the superscripts indicate the relative doping levels. For example, the p­
bulk region might have an impurity concentration of 5 x I 0:?1 carriers/m3, whereas the 
p+ and n+ regions would be doped more heavily to a value around 1025 to L027 carri­
ers/m3. Also, note that the metal contacts to the diode (in this case, aluminum) are 
connected to a heavily doped region as opposed to a lightly doped region; otherwise a 
Schottky diode would occur. (Schottky diodes are discussed on page 15.) Thus, in 
order not to make a Schottky diode, the connection to the n region is actually made 
via the n+ region. 

In the p+ side, a large number of free positive carriers are availabt~\ whereas in 
then side, many free negative carriers are available. The holes in the p+ side will tend 
to disperse or diffuse into the n side, whereas the tree electrons in then side will tend 
to diffuse to the p+ side. This process is very simi lar to two gases randomly diffusing 
together. This diffusion lowers the concentration of free carriers in the region between 
the two sides. As the two types of carriers diffuse together. they recombine. Every 
electron that diffuses from the n side to the p side leaves behind a bound positive 
charge close to the transition region. Similarly, every hole that diffuses from the p 
s ide leaves behind a bound electron near the transition region. The end result is shown 
in Fig. 1.2. This diffusion of free carriers creates a depletion region at the junction of 
the two sides where no free carriers exist, and which has a net negative charge on the 
p+ s ide and a net positive charge on the n side. The total amount of exposed or bound 

Anode Cathode 

Anode 

Cathode 

pn junction Bulk 

Fig. 1.1 A cross section of a pn diode. 
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4 Chapter 1 • Integrated-Circuit Devices and Modelling 

Immobile 
negative 
charge 

Electric 
field 

+++ 
+++ 
+++ 

+++ 

~ 
Depletion 
region 

n 

Immobile 
positive 
charge 

Fig. 1.2 A simplified model of a diode. 
Note that a depletion region exists at the 
junction due to diffusion and extends far­
ther into the more lightly doped side. 

charge on the two sides of the junction must be equal for charge neutrality. This 
requirement causes the depletion region to extend farther into the more lightly doped 
n side than into the p+ side. 

As these bound charges are exposed, an electric field develops going from the n 
side to the p side. This electric field is often called the built-in potential of the junc­
tion. It opposes the diffusion of free carriers until there is no net movement of charge 
under open-circuit and steady-state conditions. The built-in voltage of an open-circuit 
pn junction is given by Sze [ 1981] as 

<1>0 = Vrln(N~~ilJ (1.6) 

where 

VT= kT 
q 

(1.7) 

with T being the temperature in degrees Kelvin ( = 300 °K at room te[llperature), k 
being Boltzmann's constant ( 1.38 x 10-23 JK- 1 

), and q being the charge of an elec­
tron ( 1.602 x 10-19 C ). At room temperature, Vr is approximately 26 mV. 

EXAMPLE 1.2 

A pn junction has NA = 1025 holes/m3 and N0 = 10
22 

electrons/m
3

• What is 
the built-injunction potential? Assume that n; = 1.5 x 10

16 
carriers/m

3
. 

Solution 
Using (1.6), we obtain 

( 
10

25 

X 10
22 J <1>0 = 0.026 x In = 0.88 V 

(1.5 X 10
16

)
2 

(1.8) 
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l. l Semiconductors and pn Junctions 5 

This is a typical value for the built-in potential of a junction with one side 
heavily doped. As an approximation, we will normally use <1>0 = 0.9 V for the 
built-in potential of a junction having one side heavily doped. 

Reverse-Biased Diodes 

A silicon diode having an anode-to-cathode (i.e., p side to n side) voltage of 0.4 V 
or less will not be conducting appreciable current. In this case, it is said to be 
reverse biased. If a diode is reverse biased, current flow is primarily due to ther­
mally generated carriers in the depletion region, and it is extremely small. Although 
this reverse-biased current is only weakly dependent on the applied voltage, the 
reverse-biased current is directly proportional to the area of the diode junction. 
However, an effect that should not be ignored, particularly at high frequencies, is 
the junction capacitance of a diode. In reverse-biased diodes, this junction capaci­
tance is due to varying charge storage in the depletion regions and is modelled as a 
depletion capacitance. 

To determine the depletion capacitance, we first state the relationship between the 
depletion widths and the applied reverse voltage, VR [Sze, 1981]. 

Xn = [2K,E0 (<1>0 + VR) NA ]
112 

q N0(NA + N0) 

X -p -

( 1.9) 

(1.10) 

Here, £ 0 is the permittivity of free space (equal to 8.854 x 10-12 F/m), VR is the 
reverse-bias voltage of the diode, and K, is the relative permittivity of silicon (equal 
to 11.8). It should be noted that these equations assume that the doping changes 
abruptly from the n to the p side. 

From the above equations, we see that if one side of the junction is more heavily 
doped than the other, the depletion region will extend mostly on the lightly doped 
side. For example, if NA>> N0 (i.e., if the p region is more heavily doped), we can 
approximate (1.9) and (1.10) as 

]

1/2 
= [2K,E0(<1>0 + VR) 

Xn - N q 0 
(1.11) 

Indeed, for this case 

xP N0 

(1.12) 

This special case is called a single-sided diode. 
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EXAMPLE 1.3 

For a pn junction having NA = 10
25 

holes/m
3 

and N0 = 10
22 

electrons/m
3

, 

what are the depletion-layer depths for a 5-V reverse-bias voltage? 

Solution 
Since NA>> N0 and we already have found in Example 1.2 that ct>0 = 0.9 V, 
we can use ( I.I I) to find 

X, = [2 X 11.8 X 8.854 X 10-
12 

X 5.9] l/Z = 0 _88 µm (J. ]3) 

1.6 X 10-19 
X 1022 

= 0.88 nm (1.14) 

Note that the depletion width in the lightly doped n region is 1,000 times greater 
than that in the more heavily doped p region. 

The charge stored in the depletion region, per unit cross-sectional area, is found 
by multiplying the depletion-region width by the concentration of the immobile 
charge (which is approximately equal to q times the impurity doping density). For 
example, on the n side, we find the charge in the depletion region to be given by mul­
tiplying (1.9) by qN0 , resulting in 

(1.15) 

This amount of charge must also equal a- on the p side since there is charge equality. 
In the case of a single-sided diode when NA >> N0, we have 

(1.16) 

Note that this result is independent of the impurity concentration on the heavily doped 
side. Thus, we see from the above relation that the charge stored in the depletion 
region is dependent on the applied reverse-bias voltage. It is this charge-voltage rela­
tionship that is modelled by a nonlinear depletion capacitance. 

For small changes in the reverse-biased junction voltage, about a bias voltage, we 
can find an equivalent small-signal capacitance, Ci, by differentiating (1.15) with 
respect to V R· Such a differentiation results in 

(1.17) 
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where Ci0 is the depletion capacitance per unit area at Va = 0 and is given by 

qK,E0 NANo 

2<1>0 NA+ N0 

In the case of a one-sided diode with NA >> N0, we have 

where now 

c. = [ qK,EoNo ]'
12 

= _c---'-iO_ 

1 2(<1>o + Va) RR 
l+­

<l>o 

(1.18) 

(1.19) 

(1.20) 

It should be noted that many of the junctions encountered in integrated circuits 
are one-sided junctions with the lightly doped side being the substrate or sometimes 
what is called the well. The more heavily doped side is often used to form a contact to 
interconnecting metal. From (1.20), we see that, for these one-sided junctions, the 
depletion capacitance is approximately independent of the doping concentration on 
the heavily doped side, and is proportional to the square root of the doping concentra­
tion of the more lightly doped side. Thus, smaller depletion capacitances are obtained 
for more lightly doped substrates-a strong incen~ve to strive for lightly doped sub­
strates. 

Finally, note that by combining (1.15) and (1.18), we can express the equation for 
the immobile charge on either side of a reverse-biased junction as 

( 1.21) 

As seen in Example 1.6, this equation is useful when one is approximating the large­
signal charging ( or discharging) time for a reverse-biased diode. 

EXAMPLE 1.4 

For a pn junction having NA = 10
25 

holes/m
3 

and N0 = 1022 electrons/m3
, 

what is the total zero-bias depletion capacitance for a diode of area 10 µm x 
10 µm? What is its depletion capacitance for a 3-V reverse-bias voltage? 

Solution 
Making use of ( 1.20), we have 

1.6 X 10-!9 X J J.8 X 8.854 X 10-12 
X 1022 

2 x0.9 
= 304.7 µF/m 2 (1.22) 
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Since the diode area is 100 x 10-12 m2
, the total zero-bias depletion capacitance is 

C 00 -12 04 -6 
T-jD = I X IO X 3 _ 7 X 10 = 30.5 fF ( 1.23) 

At a 3-V reverse-bias voltage, we have from ( 1.19) 

CT-j = 30.5 fF = 14.7 fF 

J1 + (039) 

(1.24) 

As expected, we see a decrease in junction capacitance as the width of the deple­
tion region is increased. 

Graded Junctions 

All of the above equations assumed an abrupt junction where the doping concentra­
tion changes quickly from p to n over a small distance. Although this is a good 
approximation for many integrated circuits, it is not always true. For example, the 
collector-to-base junction of a bipolar transistor is most commonly realized as a 
graded junction. In the case of graded junctions, the exponent 1/2 in Eq. (1.15) is 
inaccurate, and a better value to use is an exponent closer to unity, perhaps 0.6 to 0.7. 
Thus, for graded junctions, (1.15) is typically written as 

where m is a constant typically around 1/3. 
Differentiating ( 1.25) to find the depletion capacitance, we have 

This depletion capacitance can also be written as 

where 

Ca 

C; = ( ~R)m 
l+­

<l>o 

(1.25) 

(1.26) 

(1.27) 

(1.28) 

From ( 1.27), we see that a graded junction results in a depletion capacitance that 
is less dependent on VA than the equivalent capacitance in an abrupt junction. In other 
words, since m is less than 0.5, the depletion capacitance for a graded junction is 
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more linear than that for an abrupt junction. Correspondingly, increasing the reverse­
bias voltage for a graded junction is not as effective in reducing the depletion capaci­
tance as it is for an abrupt junction. 

Finally, as in the case of an abrupt junction, the depletion charge on either side of 
the junction can also be written as 

[ J

l-m 

C VR 
Q = _iO_<I> I + -

I - m O <l>o 
(1.29) 

EXAMPLE 1.5 

Repeat Example 1.4 for a graded junction with m = 0.4. 

Solution 
Noting once again that NA >> N0 , we approximate ( 1.28) as 

(1.30) 

resulting in 

2 
CiO = 81.5 µF/m (1.31) 

which, when multiplied by the diode's area ,,f 10 µm x 10 µm, results in 

Cr.jo = 8.1 fF (1.32) 

For a 3-V reverse-bias voltage, we have 

8.lfF 
CT-j = (I + 3/0.9)04 = 

4.5 fF (1.33) 

Large-Signal Junction Capacitance 

The equations for the junction capacitance given above are only valid for small 
changes in the reverse-bias voltage. This limitation is due to the fact that Ci depends on 
the size of the reverse-bias voltage instead of being a constant. As a result, it is 
extremely difficult and time consuming to accurately take this nonlinear capacitance 
into account when calculating the time to charge or discharge a junction over a large 
voltage change. A commonly used approximation when analyzing the transient 
response for large voltage changes is to use an average size for the junction capacitance 
by calculating the junction capacitance at the two extremes of the reverse-bias voltage. 
Unfortunately, a problem with this approach is that when the diode is forward biased 
with V R "' -<1>0 , Eq. ( 1.17) "blows up" (i.e., is equal to infinity). To circumvent this 
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problem, one can instead calculate the charge stored in the junction for the two extreme 
values of applied voltage (through the use of (1.21)), and then through the use of 
Q = CV, calculate the average capacitance according to 

C = Q(V2)-Q(V 1) 

1-av V V 
,- 1 

(1.34) 

where V 1 and V 2 are the two voltage extremes [Hodges, 1988]. 
From (1.21), for an abrupt junction with reverse-bias voltage V;, we have 

(1.35) 

Therefore, 

(R-RJ 
C;-av = 2C;o<l>o V V 

,- 1 
(1.36) 

One special case often encountered is charging a junction from O V to 5 V. For this 
special case, and using <1>0 = 0. 9 V, we find that 

C;-av = 0.56C;o (1.37) 

Thus, as a rough approximation to quickly estimate the charging time of a junction 
capacitance from O V to 5 V ( or vice versa), one can use 

C _ C;o 
j-av - 2 (1.38) 

It will be seen in the following example that (1.37) compares well with a SPICE sim­
ulation. 

EXAMPLE 1.6 

For the circuit shown in Fig. l .3, where a reverse-biased diode is being charged 
from O V to 5 V, through a lO-kr.l resistor, calculate the time required to charge 
the diode from O V to 3.5 V. Assume that C;o = 0.2 fF/(µm) 2 and that the 
diode has an area of 20 µm x 5 µm . Compare your answer to that obtained 
using SPICE. Repeat the question for the case of the diode being discharged 
from 5 V to 1.5 V. 

Solution 
The total small-signal capacitance of the junction at 0-V bias voltage is obtained 
by multiplying 0.2 fF/(µm) 2 by the junction area to obtain 

C;o = 0.2 x w-" x 20 x 5 = 0.02 pF (1.39) 

Using (1.37), we have 

C;-av = 0.56 x 0.02 = 0.011 pF (1.40) 
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R = 10 kQ 
Vin o--'V\,---+-----0 V out 

20 µm x 5 µm 

~ cjO = 0.2 IF/(µm) 

(a) 

R = 10 kQ 

v,,~v,,, 

r Ceq = 0.012 pF 

(b) 

2 

Fig. 1.3 (a) The circuit used in Example l .6; (b) its RC approximate 
equivalent. 

resulting in a time constant of 

~ = RCj-av = 0.11 OS ( 1.41) 

It is not difficult to show that the time it takes for a first-order circuit to rise (or 
fall) 70 percent of its final value is equal to 1.2~. Thus, in this case, 

170% = 1.2 ~ = 0.13 OS ( 1.42) 

As a check, the circuit of Fig. l.3(a) was analyzed using SPICE. The input 
data file was as follows: 

RI 2 !Ok 
D02DMOD 
* 
VIN I O de 2.5 PULSE (0 5 0 I Op !Op 0.49n I.On) 
* 
.MODEL DMOD D(CJ0=0.02E-12) 
* 
.OPTIONS NUMDGT=5 ITL1=500 
.WIDTH OUT=80 
.TRAN O.Oln I.On 
.PRINT TRAN V(2) 
.END 

The SPICE simulation gave a 0-V to 3.5-V rise time of 0.14 ns and a 5-V to 
1.5-V fall time of 0.12 ns. These times compare favorably with the 0.13 ns pre­
dicted. The reason for the different values of the rise and fall times is the nonlin­
earity of the junction capacitance. For smaller bias voltages it is larger than that 
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predicted by ( 1.37), whereas for larger bias voltages it is smaller. If we use the 
more accurate approximation of ( 1.36) for the rise time with V 2 = 3.5 and 
V1 = 0 V, we find 

C 0.9(H,·5 J ;-av = 2 x 0.02 x - I + - - 1 = 0.012 pF 
3.5 0.9 

Also, for the fall time, we find that 

C 0.9 [Ni·5 R,J i-av = 2 X 0.02 X -- I+ - - I + - = 0.010 pF 
1.5 - 5 0.9 0.9 

These more accurate approximations result in 

t.70" = 0.144 ns 

and 

!_70s, = 0.114 ns 

(1.43) 

(1.44) 

(1.45) 

(1.46) 

in closer agreement with SPICE. Normally, the extra accuracy that results from 
using (1.36) instead of (1.37) is not worth the extra complication because one 
seldom knows the area of C;o to better than 20 percent accuracy. 

Forward-Biased Junctions 

A positive voltage applied from the p side to the n side of a diode reduces the electric 
field opposing the diffusion of the free carriers across the depletion region. It also 
reduces the width of the depletion region. If this forward-bias voltage is large enough, 
the carriers will start to diffuse across the junction, resulting in a current flow from the 
anode to the cathode. For silicon, appreciable diode current starts to occur for a forward­
bias voltage around 0.5 V. For germanium and gallium arsenide semiconductor mate­
rials, current conduction starts to occur around 0.3 V and 0.9 V, respectively. 

When the junction potential is sufficiently lowered for conduction to occur, the 
carriers diffuse across the junction due to the large gradient in the mobile carrier con­
centrations. Note that there are more carriers diffusing from the heavily doped side to 
the lightly doped side than from the lightly doped side to the heavily doped side. 

After the carriers cross the depletion region, they greatly increase the minority 
charge at the edge of the depletion region. These minority carriers will diffuse away 
from the junction toward the bulk. As they diffuse, they recombine with the majority 
carriers, thereby decreasing their concentration. This concentration gradient of the 
minority charge (which decreases the farther one gets from the junction) is responsi­
ble for the current flow near the junction. 

The majority carriers that recombine with the diffusing minority carriers come 
from the metal contacts at the junctions because of the forward-bias voltage. These 
majority carriers flow across the bulk, from the contacts to the junction, due to an 
electric field applied across the bulk. This current flow is called drift. It results in 
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small potential drops across the bulk, especially in the lightly doped side. Typical val­
ues of this voltage drop might be 50 mV to 0.1 V, depending primarily on the doping 
concentration of the lightly doped side, the distance from the contacts to the junction, 
and the cross-sectional area of the junction. 

In the forward-bias region, the current-voltage relationship is exponential and can 
be shown (see Appendix) to be 

I - I Vo!V, 
o - se 

where VO is the voltage applied across the diode and 

Is oc A0(-' + -
1 

) 
NA No 

(1.47) 

( 1.48) 

Is is known as the scale current and is seen to be proportional to the area of the diode 
junction, A0 , and inversely proportional to the doping concentrations. 

Junction Capacitance of Forward-Biased Diode 

When a junction changes from reverse biased (with little current through it) to for­
ward biased (with significant current flow across it), the charge being stored near and 
across the junction changes. Part of the change in charge is due to the change in the 
width of the depletion region and therefore the amount of immobile charge stored in 
it. This change in charge is modelled by the deple£ion capacitance, Ci, similar to when 
the junction is reverse biased. An additional change in charge storage is necessary to 
account for the change of the minority carrier concentration close to the junction 
required for the diffusion current to exist. For example, if a forward-biased diode cur­
rent is to double, then the slopes of the minority charge storage at the diode junction 
edges must double, and this, in tum, implies that the minority charge storage must 
double. This component is modelled by another capacitance, called the diffusion 
capacitance, and denoted Cd. 

The diffusion capacitance can be shown (see Appendix) to be 

Io 
Cd = •r- C 1.49) 

Yr 

where 'Tis the transit time of the diode. Normally 'Tis specified for a given technol­
ogy, so that one can calculate the diffusion capacitance. Note that the diffusion capac­
itance of a forward-biased junction is proportional to the diode current. 

The total capacitance of the forward-biased junction is the sum of the diffusion 
capacitance, Cd, and the depletion capacitance, Ci. Thus, the total junction capaci­
tance is given by 

( 1.50) 

For a forward-biased junction, the depletion capacitance, Ci, can be roughly approxi­
mated by 2Cjo· The accuracy of this approximation is not critical since the diffusion 
capacitance is typically much larger than the depletion capacitance. 
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Finally, it should be mentioned that as a diode is turned off for a short period of 
time a current will flow in the negative direction until the minority charge is removed. 
This behavior does not occur in Schottky diodes since they do not have minority 
charge storage. 

Small-Signal Model of a Forward-Biased Diode 

A small-signal equivalent model for a forward-biased diode is shown in Fig. 1.4. A 
resistor, rd• models the change in the diode voltage, V 0 , that occurs when I0 changes. 
Using (1.47), we have 

= 
Vo!Vr I e D 

=Is--= 
VT Vr 

(1.51) 
1 

This resistance is called the incremental resistance of the diode. For very accurate 
modelling, it is sometimes necessary to add the series resistance due to the bulk and 
also the resistance associated with the contacts. Typical values for the contact resis­
tance (caused by the work-function2 difference between metal and silicon) might be 
201lto40Q. 

By combining ( 1.49) and ( 1.51), we see that an alternative equation for the diffu­
sion capacitance, Cd, is 

(1.52) 

Since for moderate forward-bias currents, Cd >> Ci, the total small-signal capaci­
tance is Cr = Cd, and 

(1.53) 

Thus, for charging or discharging a forward-biased junction with a current source 
having an impedance much larger than rd• the time constant of the charging is approx­
imately equal to the transit time of the diode and is independent of the diode current. 
For smaller diode currents, where Ci becomes important, the charging or discharging 
time constant of the circuit becomes larger than 'T. 

Fig. 1.4 The small-signal model 
for a forward-biased junction. 

2. The work-function of a material is defined as the minimum energy required to remove an electron at the 
Fern,i level to the outside vacuum region. 

27 of 720



EXAMPLE 1.7 

1 . 1 Semiconductors and pn Junctions 15 

A given diode has a transit time of 100 ps and is biased at 1 mA . What are the 
values of its small-signal resistance and diffusion capacitance? Assume room 
temperature, so that VT = kT / q = 26 mV. 

Solution 
We have 

VT 26 mV 
26 Q rd = - = = 

lo 1 mA 

and 

Cd 
'tT 100 ps = 3.8 F - - = 26 Q p rd 

Note that this diffusion capacitance is over 100 times larger than the total deple­
tion capacitance found in Examples 1.4 and 1.5. 

Schottky Diodes 

A different type of diode, one often used in microcircuit design, is realized by contact­
ing metal to a lightly doped semiconductor region (rather than a heavily doped region) 
as shown in Fig. 1.5. Notice that the aluminum anode is in direct contact with a rela­
tively lightly doped n- region. Because the n- region is relatively lightly doped, the 
work-function difference between the aluminum contact and the n- silicon is larger 
than would be the case for aluminum contacting to an n+ region, as occurs at the cath­
ode. This causes a depletion region and, correspondingly, a diode to occur at the inter­
face between the aluminum anode and the n- silicon region. This diode has different 
characteristics than a normal pn junction diode. First, its voltage drop when forward 

Schottky diode 
depletion region 

Anode Al 

Fig. 1.5 A c ross section of a Schottky diode. 

Cathode 

Anode 

Cathode 

28 of 720



16 Chapter I • Integrated-Circuit Devices and Modelling 

biased is smaller. This voltage drop is dependent on tbe metal used; for aluminum it 
might be around 0.5 V. More importantly, when the diode is forward biased, tbere is 
no minority-charge storage in the lightly doped n- region. Thus, the small-signal 
model of a forward-biased Schottky diode has Cd = 0 (with reference to Fig. 1.4). 
The absence of this diffusion capacitance makes the diode much faster. It is particu­
larly faster when turning off, because it is not necessary to remove the minority charge 
first. Rather, it is only necessary to discharge the depletion capacitance tbrough about 
0.2V. 

Schottky diodes have been used extensively in bipolar logic circuits. They are 
also used in a number of high-speed analog circuits, particularly those realized in gal­
lium arsenide (GaAs) technologies, rather than silicon technologies. 

1.2 MOS TRANSISTORS 

Presently, the most popular technology for realizing microcircuits makes use of MOS 
transistors. Unlike most bipolar junction transistor (BJT) technologies, which make 
dominant use of only one type of transistor (npn transistors in the case of BJT pro­
cesses3), MOS circuits normally use two complementary types of transistors-n­
channel and p-channel. While n-channel devices conduct with a positive gate voltage, 
p-channel devices conduct with a negative gate voltage. Moreover. electrons are used 
to conduct current in n-channel transistors, while holes are used in p-channel transis­
tors. Microcircuits containing both n-channel and p-channel transistors are called 
CMOS circuits, for complementary MOS. The acxonym MOS stands for metal-oxide 
semiconductor, which historically denoted the gate, insulator, and channel region 
materials, respectively. However, most present CMOS technologies utilize polysili­
con gates ratber than metal gates. 

Before CMOS technology became widely available, most MOS processes made 
use of only n-channel transistors (NMOS). However, often two different types of n­
channel transistors could be realized. One type, enhancement n-channel transistors, is 
similar to the n-channel transistors realized in CMOS technologies. Enhancement 
transistors require a positive gate-to-source voltage to conduct current. The other 
type, depletion transistors, conduct current with a gate-source voltage of O V. Deple­
tion transistors were used to create high-impedance loads in NMOS logic gates. 

A typical cross section of an n-channel enhancement-type MOS transistor is 
shown in Fig. 1.6. With no voltage applied to the gate, tbe n+ source and drain regions 
are separated by the p- substrate. The separation between the drain and the source is 
called the channel lengtb, L. In present MOS technologies, tbe minimum channel 
length is typically between 0.3 µm and 1.0 µm. It should be noted that there is no 
physical difference between the drain and the source.4 The source terminal of an 

3. Most BJT technologies can also realize low-speed lateral pnp transistors. Normally these would only be 
used to realize current sources as they have low gains and poor frequency responses. Recently, bipolar 
technologies utilizing high-speed vertical pnp transistors, as well as high-speed npn transistors, have 
become available and are growing in popularity. These technologies are called complementary bipolar 
technologies. 
4. Large MOS transistors used for power applications might not be realized with symmetric drain and 
source junctions. 
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Polysilicon 

Metal (Al) Gate 

Bulk or substrate 

Fig. 1.6 A cross section of a typical n<hannel transistor. 

n-channel transistor is defined as whichever of the Mo terminals has a lower voltage. 
For a p-channel transistor, the source would be the terminal with the higher voltage. 
When a transistor is turned on, current flows from the drain to the source in an 
n-channel transistor and from the source to the drain in a p-channel transistor. In both 
cases, the true carriers travel from the source to drain, but the current directions are 
different because n-channel carriers (electrons) are negative, whereas p-channel carri­
ers (holes) are positive. 

The gate is normally realized using polysilicon, which is heavily doped noncrys­
talline (or amorphous) silicon. Polysilicon gates are used nowadays (instead of metal) 
because polysilicon allows the dimensions of the transistor to be realized much more 
accurately during the patterning of the transistor, which involves what is called a self­
aljgned process. This higher geometric accuracy results in smaller, faster transistors. 

The gate is physically separated from the surface of the silicon by a thin insulator 
made of silicon dioxide (Si02). Thus, the gate is electrically isolated from the channel 
and affects the channel (and hence, the transistor current) only through electrostatic 
coupling, simjlar to capacitive coupling. A typical thickness for the Si02 insulator 
between the gate and the channel is presently from 0.0 I µ m to 0.03 µm . Since the 
gate is electrically isolated from the channel, it never conducts de current. Indeed, the 
excellent isolation results in leakage currents being almost undetectable. However, 
because of the inherent capacitances in MOS transistors, transient gate currents do 
exist when gate voltages are quickly changing. 

Normally the p - substrate (or bulk) is connected to the most negative voltage in a 
mjcrocircuit. In analog circuits, this might be the negative power supply, but in digital 
circuits it is normally ground or O V. This connection results in all transistors placed 
in the substrate being surrounded by reverse-biased junctions, which electrically iso­
late the transistors and thereby prevent conduction through the substrate between tran­
sistors (unless, of course, they are connected together through some other means). 

Symbols for MOS Transistors 

Many symbols have been used to represent MOS transistors. Figure 1.7 shows some 
of the symbols that have been used to represent n-channel MOS transistors. The sym­
bol in Fig. l.7(a) is often used; note that there is nothing in the symbol to specify 
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(a) (b) (c) (cf) (e) 

Fig. 1.7 Commonly used symbols for n-channel transistors. 

whether the transistor is n-channel or p-channel. A common rule is to assume, when 
in doubt, that the transistor is an n-channel enhancement transistor. Figure 1.7(b) is 
the most commonly used symbol for an n-channel enhancement transistor and is used 
throughout this text. The arrow pointing outward on the source indicates that the tran­
sistor is n-channel, similar to the convention used for npn transistors, and indicates 
the direction of hole current. 

MOS transistors are actually four-terminal devices, with the substrate being the 
fourth terminal. In n-channel devices, the p- substrate is normally connected to the 
most negative voltage in the microcircuit, whereas for p-channel devices, the n- sub­
strate is normally connected to the most positive voltage. In these cases the substrate 
connection is normally not shown in the symbol. However, for CMOS technologies, at 
least one of the two types of transistors will be formed in a well substrate that need not 
be connected to one of the power supply nodes. For example, an n-well process would 
form n-channel transistors in a p- substrate encompassing the entire microcircuit, 
while the p-channel transistors would be formed in many n-well substrates. In this 
case, most of then-well substrates would be cORnected to the most positive power sup­
ply, while some might be connected to other nodes in the circuit ( often the well is con­
nected to the source of a transistor that is not connected to the power supply). In these 
cases, the symbol shown in Fig. l.7(c) can be used to show the substrate connection 
explicitly. It should be noted that this case is not encountered often in digital circuits 
and is more common in analog circuits. Sometimes, in the interest of simplicity, the 
isolation of the gate is not explicitly shown, as is the case of the symbol of Fig. l.7(d). 
This simple notation is more common for digital circuits in which a large number of 
transistors are present. Since this symbol is also used for JFET transistors, it will never 
be used to represent MOS transistors in this text. The last symbol, shown in Fig. l.7(e), 
denotes an n-channel depletion transistor. The extra line is used to indicate that a phys­
ical channel exists for a 0-V gate-source voltage. Depletion transistors were used in 
older NMOS technologies but are not typically available in CMOS processes. 

Figure l.8 shows some commonly used symbols for p-channel transistors. In this 
text, the symbol of Fig. l.8(a) will be most often used. The symbol in Fig. l .8(c) is 

(a) (b) (c) (d) (e) 

Fig. 1.8 Commonly used symbols for p-<:hannel transistors. 
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sometimes used in digital circuits, where the circle indicates that a low voltage on the 
gate turns the transistor on, as opposed to a high voltage for an n-channel transistor 
(Fig. l .7(a)). The symbols of Fig. I .8(d) or Fig. l .8(e) might be used in larger circuits 
where many transistors are present. to simplify the drawing somewhat. They will not 
be used in this text. 

Basic Operation 

The basic operation of MOS transistors will be described with respect to an n-channel 
transistor. First, consider the simplified cross sections shown in Fig. 1.9, where the 
source, drain, and substrate are all connected to ground. In this case, the MOS transis­
tor operates simi larly to a capacitor. The gate acts as one plate of the capacitor, and 
the surface of the silicon, just under the thin insulating Si02, acts as the other plate. 

If the gate voltage is very negative, as shown in Fig. L.9(a), positive charge will 
be attracted to the channel region. Since the substrate was originally doped p-, this 
negative gate voltage has the effect of simply increasing the channel doping to p+, 

Source Drain 

i 
Depletion region 

p- substrate 

{a) 

Source Drain 

Depletion region 

p- substrate 

{b) 

Fig. 1.9 An n-channel MOS transistor. (a) VG<< 0 , resulting in an accu­
mulated channel (no current Flow); (b) VG >> 0 , and the channel is present 
(current flow possible from drain to source) . 
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resulting in what is called an accumulated channel. The n+ source and drain regions 
are separated from the p+-channel region by depletion regions, resulting in the equiva­
lent circuit of two back-to-back diodes. Thus, only leakage current will flow even if 
one of the source or drain voltages becomes large (unless the drain voltage becomes 
so large as to cause the transistor to break down). 

In the case of a positive voltage being applied to the gate, the opposite situation 
occurs, as shown in Fig. l.9(b). For small positive gate voltages, the positive carriers 
in the channel under the gate are initially repulsed and the channel changes from a p­
doping level to a depletion region. As a more positive gate voltage is applied, the gate 
attracts negative charge from the source and drain regions, and the channel becomes 
an n region with mobile electrons connecting the drain and source regions.5 In short, a 
sufficiently large positive gate-source voltage changes the channel beneath the gate to 
an n region, and the channel is said to be inverted. 

The gate-source voltage, for which the concentration of electrons under the gate 
is equal to the concentration of holes in the p- substrate far from the gate, is com­
monly referred to as the transistor threshold voltage and denoted V,n (for n-channel 
transistors). For gate-source voltages larger than V tn• there is an n-type channel 
present, and conduction between the drain and the source can occur. For gate-source 
voltages less than V,n- it is normally assumed that the transistor is off and no current 
flows between the drain and the source. However, it should be noted that this assump­
tion of zero drain-source current for a transistor that is off is only an approximation. In 
fact, for gate voltages around V tn• there is no abrupt current change, and for gate­
source voltages slightly less than V,n, small amounts of subthreshold current can 
flow, as discussed in Section 1.3. 

When the gate-source voltage, V GS , is larger than V tn, the channel is present. As 
V GS is increased, the density of electrons in the channel increases. Indeed, the carrier 
density, and therefore the charge density, is proportional to V Gs- V,n, which is often 
called the effective gate-source voltage and denoted V0 ". Specifically, define 

The charge density of electrons is then given by 

On = Co,(V GS - V,nl = Co, v .tf 
Here, C 0 , is the gate capacitance per unit area and is given by 

· KoxEo 
cox= --

to, 

(1.54) 

(1.55) 

(1.56) 

where K0 , is the relative permittivity of Si02 (approximately 3.9) and t0 , is the 
thickness of the thin oxide under the gate. A point to note here is that (1.55) is only 
accurate when both the drain and the source voltages are zero. 

5. The drain and source regions are somelimes called diffusion regions or junctions for historical reasons. 
This use of the word junction is not synonymous with our previous use, in which it designated a pn inter­
face of a diode. 
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To obtain the total gate capacitance. ( 1.56) should be multiplied by Lhe effective 
gate area. WL, where W is the gate width and L is the effective gate length. These 
dimensions are shown in Fig. 1.J 0. Thus the total gate capacitance, C95, is given by 

C
9 5 

= WLC0 x ( 1.57) 

and the total charge of the channel. QT-n• is given by 

( 1.58) 

The gate capacitance, C95 , is one of the major load capacitances that circuits must be 
capable of driving. Gate capacitances are also important when one is calculating 
charge injection, which occurs when a MOS transistor is being turned off because the 
channel charge, QT-n· must now from under the gate out through the terminals to 
other places in the circuit. 

Next, if the drain voltage is increased above O V. a drain-source potential differ­
ence exists. This difference results in current flowing from the drain to the source.6 

The relationship between Vos and the drain-source current, 10 , is the same as for a 
resistor. assuming Vos is small. This relationship is given [Sze. 198 1] by 

(1.59) 

where µn = 0.06 m2 /Vs is the mobility of electrons near the silicon surface, and On 
is the charge concentration of the channel per unit area (looking from the top down). 
Note that as the channel length increases. the drain-source current decreases, whereas 
this current increases as either the charge density or the transistor width increases. 
Using ( 1.58) and ( 1.59) results in 

w 
lo= µnCoxL (VGs- V,n)Vos = 

n channel 

w 
µnCoxLVe11V os 

Fig. 1.10 The important dimensions of a MOS transistor. 

( 1.60) 

6. The current is actually conducted by negative carrier, (electrons) llowing. from the source to the drain. 
Negati ve carriers llowing from source to drain results in a positive current from drain to source, I05 . 
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where it should be emphasized that this relationship is only valid for drain-source 
voltages near zero (i.e., V08 much smaller than V elf). 

As the drain-source voltage increases, the channel charge concentration decreases 
at the drain end. This decrease is due to the smaller gate-to-channel voltage difference 
across the thin gate oxide as one moves closer to the drain. In other words, since the 
drain voltage is assumed to be at a higher voltage than the source, there is an increasing 
voltage gradient from the source to the drain, resulting in a smaller gate-to-channel 
voltage near the drain. Since the charge density at a distance x from the source end of 
the channel is proportional to VG - V ch(X) - V,n, as VG - V ch(X) decreases, the 
charge density also decreases.7 This effect is illustrated in Fig. 1.11. 

Note that at the drain end of the channel, we have 

(1.61) 

For small V 08, we saw from ( 1.60) that I0 was linearly related to V 08. However, as 
V 08 increases, and the charge density decreases near the drain, the relationship 
becomes nonlinear. In fact, the linear relationship for I0 versus V 08 flattens for larger 
V 08, as shown in Fig. 1.12. 

V5 = 0 
Depletion region 

n• 

Increasing x Qn(L) C (V V ) = o, GD- tn 

Fig. 1.11 The channel charge density for Vos> 0. 

Fig. 1.12 For Vos not close to zero, the 
I 0 versus Vos relationship is no longer 
linear. 

7. VG - V cH(X) is the gate-to-channel voltage drop at distance X from the source end, with VG being the 
same everywhere in the gate, since the gate material is highly conductive. 
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As the drain voltage is increased, at some point the gate-to-channel voltage at the 
drain end will decrease to the threshold value V tn - the minimum gate-to-channel 
voltage needed for n carriers in the channel to exist. Thus, at the drain end, the chan­
nel becomes pinched off, as shown in Fig. 1.13. This pinch-off occurs at VGo = v,n, 
since the channel voltage at the drain end is simply equal to V0 . Thus, pinch-off 
occurs for 

(1.62) 

Denoting VOS-sat as the drain-source voltage when the channel becomes pinched off, 
we can substitute V oG = Vos - V GS into (l.62) and find an equivalent pinch-off 
expression 

VOS> VOS-sat 

where VOS-sat is given8 by 

Vos-sat= VGs-V,n = veff 

(1.63) 

(1.64) 

The electron carriers travelling through the pinched-off drain region are velocity 
saturated, similar to a gas under pressure travelling through a very small tube. If the 
drain-gate voltage rises above this critical pinch-off voltage of -V,n, the charge con­
centration in the channel remains constant (to a first-order approximation) and the 
drain current no longer increases with increasing V05. The result is the current­
voltage relationship shown in Fig. 1.14 for a given gate-source voltage. In the region 
of operation where Vos > Vos-sat , the drain current is independent of Vos and is 
called the active region.9 The region where I0 changes with Vos is called the triode 
region. When MOS transistors are used in analog amplifiers, they almost always are 
biased in the active region. When they are used in digital logic gates, they often oper­
ate in both regions. 

Vs= 0 
Depletion region 

n' 

Pinch-off for 
VGo<V,n 

n' 

Fig. 1.13 When V05 is increased so that V GD< V,n, the channel becomes pinched off at the drain end. 

8. Because of the body effect, the threshold voltage at the drain end of the transistor is increased, resulting 
in the true value of VOS-sat being slightly lower than V ell. 
9. Historically, the active region was called the saturation region, but this led to confusion because in the 
case of bipolar transistors, the saturation region occurs for small V CE , whereas for MOS transistors it 
occurs for large V05. The renaming of the saturation region to the active region is becoming widely 
accepted. 
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Triode 
region 

µnC 0 ,W(V -V )2 
2 L GS tn 

-~--J~_ VGs constant 

Active 
region 

Fig. 1.14 The 10 versus Vos curve for an ideal MOS transistor. For 
Vos> Vos-sat, Io is approximately constant. 

Before proceeding, it is worth discussing the terms weak, moderate, and strong 
inversion. As just discussed, a gate-source voltage greater than V,n results in an 
inverted channel, and drain-source current can flow. However, as the gate-source 
voltage is increased, the channel does not become inverted (i.e., n-region) suddenly, 
but rather gradually. Thus, it is useful to define three regions of channel inversion 
with respect to the gate-source voltage. In most circuit applications, noncutoff MOS­
FET transistors are operated in strong inversion, with V eff > I 00 m V (many prudent 
circuit designers use a minimum value of 200 m "). As the name suggests, strong 
inversion occurs when the channel is strongly inverted. It should be noted that all the 
equation models in this section assume strong inversion operation. Weak inversion 
occurs when V GS is approximately 100 m V or more below V,n and is discussed as 
subthreshold operation in Section l.3. Finally, moderate inversion is the region 
between weak and strong inversion. 

Large-Signal Modelling 

The triode region equation for a MOS transistor relates the drain current to the gate­
source and drain-source voltages. It can be shown (see Appendix) that this relation­
ship is given by 

(l.65) 

As Vos increases, I0 increases until the drain end of the channel becomes pinched off, 
and then I0 no longer increases. This pinch-off occurs for V DG -V,n, or approxi­
mately, 

(l.66) 

Right at the edge of pinch-off, the drain current resulting from ( 1.65) and the drain 
current in the active region (which, to a first-order approximation, is constant with 
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respect to Vos) must have the same value. Therefore, the active region equation can 
be found by substituting ( 1.66) into ( 1.65), resulting in 

(1.67) 

For Vos> Veff• the current stays constant at the value given by (l.67), ignoring 
second-order effects such as the finite output impedance of the transistor. This equation 
is perhaps the most important one that describes the large-signal operation of a MOS 
transistor. It should be noted here that ( 1.67) represents a squared current-voltage 
relationship for a MOS transistor in the active region. In the case of a BJT transistor, an 
exponential current-voltage relationship exists in the active region. 

As just mentioned, ( 1.67) implies that the drain current, I0 , is independent of the 
drain-source voltage. This independence is only true to a first-order approximation. 
The major source of error is due to the channel length shrinking as Vos increases. To 
see this effect, consider Fig. 1.15, which shows a cross section of a transistor in the 
active region. A pinched-off region with very little charge exists between the drain and 
the channel. The voltage at the end of the channel closest to the drain is fixed at 
V GS - V,

0 
= V elf. The voltage difference between the drain and the near end of the 

channel lies across a short depletion region often called the pinch-off region. As V0s 
becomes larger than V elf , this depletion region surrounding the drain junction 
increases its width in a square-root relationship with respect to Vos· This increase in 
the width of the depletion region surrounding the drain junction decreases the effective 
channel length. In turn, this decrease in effective channel length increases the drain 
current, resulting in what is commonly referred to-as channel-length modulation. 

To derive an equation to account for channel-length modulation, we first make 
use of ( 1.11) and denote the width of the depletion region by xd, resulting in 

xd - kd, Jv 0-ch + <l>o 
(1.68) 

where 

( 1.69) 

VGs > vtn 

n+ Io "'4---- - - - •• - • - - - -

/··-----·····"-····· 
Depletion region l>L = Jv os - V elf+ <t>, 

n• 
L~--.. \; 

Pinch-off region 

Fig. 1.15 Channel length shortening for V 08 > V elf. 
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and has units of m1Jv. Note that NA is used here since the n-type drain region is 
more heavily doped than the p-type channel (i.e., N0 >> NA)· By writing a Taylor 
approximation for I0 around its operating value of Vos = V Gs - V,n = V eff, we 
find I0 to be given by 

(aro( aL j. 
lo= Io-sat+l aL }aVosrVos 

-I (i kd,(Vos-V,u)) 
= 0-sat + 2LJV OG + v,n + <l>o 

(1.70) 

where Io-sat is the drain current when Vos = V eff, or equivalently, the drain current 
when the channel-length modulation is ignored. Note that in deriving the final equa­
tion of (1.70). we have used the relationship aL1av0s = -axd/aV0 s. Usually, 
( I. 70) is written as 

µnC 0,(W) 2 
Io= -

2
- L VGs-V,n) [l +A(Vos-Vettll 

where A is the output impedance constant (in units of v- 1) given by 

kd, 
A=--==== 

2LJVoG + V,n + <l>o 

(1.71) 

(1.72) 

Equation (l.71) is accurate until V0 s is large enough to cause second-order effects, 
often called short-channel effects. For example, (1.71) assumes that current flow 
down the channel is not velocity-saturated (i.e., in<.reasing the electric field no longer 
increases the carrier speed). Velocity saturation commonly occurs in new technolo­
gies that have very short channel lengths and therefore large electric fields. If Vos 
becomes large enough so short-channel effects occur, [ 0 increases more than is pre­
dicted by ( I. 71 ). Of course, for quite large values of Vos, the transistor will eventu­
ally break down. 

A plot of I0 versus Vos for different values of V GS is shown in Fig. 1.16. Note 
that in the active region, the small (but nonzero) slope indicates the small dependence 
of I0 on Vos· 

Vos= (VGs-V,n) 

Triode 
region 

:/ 
Active 
region 

Short-channel 
effects 

j Increasing V Gs 

Fig. 1.16 10 versus V05 for different values of VGs· 
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Find I 0 for an n-channel transistor that has doping concentrations of N0 = 1025
, 

NA= 10
22

, µ 0 C0 , = 92 µA/V
2

, W/L = 20 µm/2 µm, V8 s = 1.2 V, 
V10 = 0.8 V, and Vos = V elf. Assuming A remains constant, estimate the new 
value of I0 if Vos is increased by 0.5 V. 

Solution 

Body Effect 

From ( 1.69), we have 

2 X ] J.8 X 8.854 X 10-12 

= 362 X 10-9 m/Jv 
1.6 X 10-19 

X 1022 

which is used in (1.72) to find A as 

'J... = 
362 X 10-9 

2 X 2 X 10-6 
X ,/o9 

= 95.3 X 10-J y-l 

Using (1.71), we find for V0 s = Velf = 0.4 V, 

92 X 10 20 2 ( -6; Io1 = 
2 2 }o.4) (I) = 73.6 µA 

In the case where Vos = V elf+ 0.5 V = 0.9 V, we have 

I02 = 73.6 µAx(! +'J...xO.:i) = 77.1 µA 

Note that this example shows almost a 5 percent increase in drain current for a 
0.5 V increase in drain-source voltage. 

The large-signal equations in the preceding section were based on the assumption 
that the source voltage was the same as the substrate (i.e., bulk) voltage. However, 
often the source and substrate can be at different voltage potentials. In these situa­
tions, a second-order effect exists that is modelled as an increase in the threshold 
voltage, V tn , as the source-to-substrate reverse-bias voltage increases. This effect, 
typically called the body effect, is more important for transistors in a well of a CMOS 
process where the substrate doping is higher. It should be noted that the body effect 
is often important in analog circuit designs and should not be ignored without consid­
eration. 

To account for the body effect, it can be shown (see Appendix at the end of this 
chapter) that the threshold voltage of an n-channel transistor is now given by 

Vin = v,no + y( Jv SB+ l2<PFI - Jl2<PFI) (1.73) 

where V,00 is the threshold voltage with zero Vs 8 (i.e., source-to-substrate voltage), 
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and 

J2qNAK,E0 

Ca, 
y= (1.74) 

The factory is often called the body-effect constant and has units of Jv. Notice that y 
is proportional to ,JN;,., 10 so the body effect is larger for transistors in a well where 
typically the doping is higher than the substrate of the microcircuit. 

p-Channel T ransistars 

All of the preceding equations have been presented for n-channel enhancement tran­
sistors. In the case of p-channel transistors, these equations can also be used if a 
negative sign is placed in front of eve1y voltage variable. Thus, V GS becomes V SG• 

V0 s becomes Vso, V,n becomes -V1p, and so on. The condition required for con­
duction is now V58 > V,p, where V1P is now a negative quantity for an enhancement 
p-channel transistor. 11 The requirement on the source-drain voltage for a p-channel 
transistor to be in the active region is V so> V SG + V,p· The equations for I0 , in both 
regions, remain unchanged, because all voltage variables are squared, resulting in 
positive hole current flow from the source to the drain in p-channel transistors. For 
n-channel depletion transistors, the only difference is that V,d < 0 V. A typical value 
might be V1d = -2 V. 

Small-Signal Madelling in the Active Regian 

The most commonly used small-signal model for a MOS transistor operating in the 
active region is shown in Fig. 1.17. We first consider the de parameters in which all 
the capacitors are ignored (i.e., replaced by open circuits). This leads to the low­
frequency, small-signal model shown in Fig. 1.18. The voltage-controlled current 
source, 9m v 

9
,, is the most important component of the model, with the transistor 

transconductance 9m defined as 

9m 

In the active region, we use ( 1.67), which is repeated here for convenience, 

I = µnCo,(W\v _ V )' 
D z L f GS tn 

IO. For an n-channel transistor. For a p-channel transistor, y is proportional to N0. 

(1.75) 

(1.76) 

11. It is possible to realize depletion p-channel transistors, ~ut these are of little value and seldom worth the 
extra processing involved. Depletion n-channel transistors are also seldom encountered in CMOS microcir­
cuits, although they might be worth the extra processing involved in some applications. especially if they 
were in a well. 
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c,d 

Vg 0>--1..--+----ll---.----.----.----.---O Vd 

c,, - v,, 9mv,, g,v, rd, cdb l 
c,, I 

Fig. 1.17 The smoll-signal model for a MOS transistor in the active region. 

_ vgs 

v, 

Fig. 1.18 The low-frequency, small-signal model for an active 
MOS transistor. 

and we apply the derivative shown in (1.75) to obtain 

aJD W 
9m = -- = µnCox-L (V GS - v,nl = av Gs 

or equivalently. 

w 
9m = µnCoxL V eff 

(1.77) 

(l.78) 

where the effective gate-source voltage, V eff, is defined as V eff = V GS - V,n. 
Thus, we see that the transconductance of a MOS transistor is directly proportional 
to V elf. 

Sometimes it is desirable to express 9m in terms of 10 rather than V GS - From 
( 1.76), we have 

VGS = v,n + 
210 

(l.79) 

The second term in (1.79) is the effective gate-source voltage, V eff, where 

21 0 
(1.80) 

42 of 720



30 Chapter l • Integrated-Circuit Devices and Modelling 

Substituting (1.80) in (1.78) results in an alternate expression for 9m. 

9m = J2µnC0 , ~ Io (I.SI) 

Thus, the transistor transconductance is proportional to ~ for a MOS transistor, 
whereas it is proportional to le for a BJT. 

A third expression for 9m is found by rearranging (1.8]) and then using (l.80) to 
obtain 

2I0 
9m = 

V eff 
(1.82) 

Note that this expression is independent of µnCo, and W /L, and it relates the 
transconductance to the ratio of drain current to effective gate-source voltage. This 
simple relationship can be quite useful during an initial circuit design. 

The second voltage-controlled current-source in Fig. 1.18, shown as g,v,, 
models the body effect on the small-signal drain current, id. When the source is 
connected to small-signal ground, or when its voltage does not change appreciably, 
then this current source can be ignored. When the body effect cannot be ignored, 
we have 

From (1.76) we have 

clI0 

av,n 

g, = 

Using (1.73), which gives V,n as 

= ----

= -9m 

v,n = v,no + y( Jv SB+ l2t1>,I - Jl2t1>,I) 
we have 

(1.83) 

(1.84) 

(1.85) 

(1.86) 

The negative sign of (l.84) is eliminated by subtracting the current g.v, from the 
major component of the drain current, 9m v gs, as shown in Fig. 1.18. Thus, using 
(1.84) and (1.86), we have 

Y9m 
9s = -==== 2Jv SB+ l2t1>,I 

(1.87) 

Note that although 9s is nonzero for V SB = 0 , if the source is connected to the bulk, 
~ V SB is zero, and so the effect of 9s does not need to be taken into account. How­
ever, if the source happens to be biased at the same potential as the bulk but is not 
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directly connected to it, then the effect of g, should be taken into account since 
t. V ss is not necessarily zero. 

The resistor, r ds• shown in Fig. 1.18, accounts for the finite output impedance 
(i.e., it models the channel-length modulation and its effect on the drain current due to 
changes in V 0 s). Using ( I. 71 ), repeated here for convenience, 

(1.88) 

we have 

I aio (µnCoxtrJ 2 = 9ds = -- = A -- - VGs-Vtn) = Alo-sat = Alo 
rd, av0 s 2 L 

(1.89) 

where the approximation assumes A is small, such that we can approximate the drain 
bias current as being the same as Io-sat . Thus, 

(1.90) 

where 

(l.91) 

and 

(1.92) 

It should be noted here that (1.90) is often empirically adjusted to take into account 
second-order effects. 

EXAMPLE 1.9 

Derive the low-frequency model parameters for an n-channel transistor that has 
doping concentrations of N0 = 1025

, NA = 1022
, µnCox = 92 µA/V 2

, W/L = 
20 µm/2 µm, V GS = 1.2 .V, Vtn = 0.8 V, and Vos = Veff· Assume y = 
0.5 ,/v and Vss = 0.5 V. Whatisthenewvalueof rd,ifthedrain-sourcevolt­
age is increased by 0.5 V? 

Solulion 
Since these parameters are the same as in Example 1.8, we have 

210 g - - -
m - veff -

and from (1.87), we have 

2 x 73.6 µA = 0.368 mA/V 
0.4 V 
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9s; 
-3 

0_5 X 0.368 X 10 ; 0.06 l mA/V 

2Jo.5 + 1.8 

Note that this source-bulk transconductance value is about 1/6 that of the gate­
source transconductance. 

For rd,, we use ( I .90) to find 

rd, ; ; 143 kQ 
95.3 X 10-3 

X 73.6 X 10-6 

At this point, it is interesting to calculate the gain 9m r ds ; 52.6, which is the 
largest voltage gain this single transistor can achieve for these operating bias 
conditions. As we will see, this gain of 52.6 is much smaller than the corre­
sponding single-transistor gain in a bipolar transistor. 

Recalling that V eff ; 0.4 V, if V 08 is increased to 0.9 V, the new value for 
A is 

A ; 
362 X 10-9 

; 76.4 X 10-J y- I 

resulting in a new value of r ds given by 

; 170 kQ 
-l 76.4x 10. xTLI µA 

An alternate low-frequency model, known as a T model, is shown in Fig. 1.19. 
This T model can often result in simpler equations and is most often used by experi­
enced designers for a quick analysis. At first glance, it might appear that this model 
allows for nonzero gate current. but a quick check confirms that the drain current must 
always equal the source current, and, therefore, the gate current must always be zero. 
For this reason, when using the T model, one assumes from the beginning that the 
gate current is zero. 

v, 

Fig, l, 19 The small-signal, low-frequency T model for 
an active MOS transistor !the body effect is not mod­
elled). 
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EXAMPLE 1.10 

Find the T model parameter, rs, for the transistor in Example 1.9. 

Solution 
The value of rs is simply the inverse of 9m, resulting in 

l 
rs = - = = 2.72 kQ 

9m 0.368 X 10- 3 

The value of rds remains the same, either 143 kQ or 170 ill, depending on the 
drain-source voltage. 

Most of the capacitors in the small-signal model are related to the physical tran­
sistor. Shown in Fig. 1.20 is a cross section of a MOS transistor, where the parasitic 
capacitances are shown at the appropriate locations. The largest capacitor in Fig. 1.20 
is C

9
s. This capacitance is primarily due to the change in channel charge as a result of 

a change in V GS· It can be shown [Tsividis, 1987] that C 9s is approximately given by 

2 
C9s = -WLC0 x ( l.93) 

3 

When accuracy is important, an additional term should be added to ( 1.93) to take 
into account the overlap between the gate and source junction, which should include 
the fringing capacitance (fringing capacitance is due to boundary effects). This addi­
tional component is given by 

(J .94) 

Vss = 0 
Polysilicon 

p- substrate 

Fig. 1.20 A cross section of on n<honnel MOS transistor showing the small-signal capacitances. 
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where L0 v is the overlap distance and is usually empirically derived. Thus, 

(l.95) 

when higher accuracy is needed. 
The next largest capacitor in Fig. 1.20 is C' sb, the capacitor between the source 

and the substrate. This capacitor is due to the depletion capacitance of the reverse­
biased source junction, and it includes the channel-to-bulk capacitance (assuming the 
transistor is on). Its size is given by 

(1.96) 

where A, is the area of the source junction, Ach is the area of the channel (i.e., WL) 
and Cjs is the depletion capacitance of the source junction, given by 

Co 

cj,= H' " 
--

0 

( 1.97) 

Note that the total area of the effective source includes the original area of the junc­
tion (when no channel is present) plus the effective area of the channel. 

The depletion capacitance of the drain is smaller because it does not include the 
channel area. Here, we have 

( 1.98) 

where 

H --
0 

(1.99) 

and Ad is the area of the drain junction. 
The capacitance C9d, sometimes called the Miller-capacitor, is important when the 

transistor is being used in circuits with large voltage gain. C
9

d is primarily due to the 
overlap between the gate and the drain and fringing capacitance. Its value is given by 

(1.100) 

where, once again, L0v is usually empirically derived. 
Two other capacitors are often important in integrated circuits. These are the 

source and drain sidewall capacitances, Cs.sw and Cd-sw. These capacitances can be 
large because of some highly doped p + regions under the thick field oxide called.field 
implants. The major reason these regions exist is to ensure there is no leakage current 
between transistors. Because they are highly doped and they lie beside the highly 
doped source and drain junctions, the sidewall capacitances can result in large addi­
tional capacitances that must be taken into account in detennining C,b and Cdb· The 
sidewall capacitances are especially important in modem technologies as dimensions 

47 of 720



1 .2 MOS Transistors 35 

shrink. For the source, the sidewall capacitance is given by 

CS-SW = p scj-sw (l.101) 

where P 5 is the length of the perimeter of the source junction, excluding the side 
adjacent to the channel, and 

cj-sw = (1.102) 

It should be noted that Cj-swo• the sidewall capacitance per unit length at 0-V bias volt­
age, can be quite large because the field implants are heavily doped. 

The situation is similar for the drain sidewall capacitance, Cd-sw• 

Cd-SW = p dcj.sw (1.103) 

where Pd is the drain perimeter excluding the portion adjacent to the gate. 
Finally, the source-bulk capacitance, C,b, is given by 

csb = C' sb + CS-SW (1.104) 

with the drain-bulk capacitance, Cdb, given by 

Cdb = C' db+ Cd-sw (l.105) 

EXAMPLE l . 11 

An n-channel transistor is modelled as having the following capacitance parameters: 
C -4 2 C --4 C _, 2 , = 2.4 x IO pF/(µm) , i-sw = 2.0 x IO pF/µm, ox= 1.9 x 10 pF/(µm), 
Cgs-ov = Cgd-ov = 2.0 x 10--4 pF/µm. Find the capacitances Cg,, Cgd• cdb• and c,b 
for a transistor having W = 100 µm and L = 2 µm. Assume the source and drain 
junctions extend 4 µm beyond the gate, so that the source and drain areas are A, = 
Ad = 400 (µm)

2 
and the perimeter of each is P s = Pd = 108 µm. · 

Solution 
We calculate the various capacitances as follows: 

Cg, = G)wLcox + Cgs-ov x W = 0.27 pF 

C 9d = Cgd-ov X W = 0.02 pF 

C,b = Ci(A,+WL)+(Cj.,wxP,) = 0.17 pF 

Cdb = (CixAd)+(Ci-swxPd) = 0.12 pF 

Note that the source-bulk and drain-bulk capacitances are significant compared 
to the gate-source capacitance. Thus, for high-speed circuits, it is important to 
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keep the areas and perimeters of drain and source junctions as small as possible 
(possibly by sharing junctions between transistors, as seen in the next chapter). 

Small-Signal Modelling in the Triode and Cutoff Regions 

The low-frequency, small-signal model of a MOS transistor in the triode region (which 
is sometimes referred to as the linear region) is a resistor. Using (1.65), the large-signal 
equation for I0 in the triode region, 

(1.106) 

results in 

(l.107) 

where rd, is the small-signal drain-source resistance (and 9ds is the conductance). 
For the common case of Vos near zero, we have 

9ds = r:, = µnco{~}VGs-V,n) ~ µnco{~f•" (1.108) 

which is similar to the I0 -versus-V0 s relationship given earlier in (1.60). 

EXAMPLE 1. 12 

For the transistor of Example 1.9, find the triode model parameters when V DS is 
near zero. 

Solution 
From (1.l08), we have 

9ds = 92 X 10-
6 

X ci) X 0.4 = 0.368 mA/V 

Note that this conductance value is the same as the transconductance of the tran­
sistor, 9m , in the active region. The resistance, r ds , is simply 1/ 9ds, resulting 
in rd, = 2.72 krl. 

The accurate modelling of the high-frequency operation o(a transistor in the 
triode region is nontrivial (even with the use of a computer simulation). A moder­
ately accurate model is shown in Fig. 1.21, where the gate-to-channel capacitance 
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c,b 

v, l Gate-t/channel capacitance 

I~ I ov, 

~ I i ~c,b 

Channel-to-substrate capacitance 

Fig. 1.21 A distributed RC model for a transistor in the active 
region. 

and the channel-to-substrate capacitance are modelled as distributed elements. How­
ever, the 1-V relationships of the distributed RC elements are highly nonlinear 
because the junction capacitances of the source and drain are nonlinear depletion 
capacitances, as is the channel-to-substrate capacitance. Also, if V08 is not small, 
then the channel resistance per unit length should increase as one moves closer to 
the drain. This model is much too complicated for use in hand analysis. 

A simplified model often used for small V05 is shown in Fig. 1.22, where the 
resistance, rds• is given by (l.108). Here, the gate-to-channel capacitance has been 
evenly divided between the source and drain nodes, 

c,, = 
WLCox 

2 
(l.109) 

Note that this equation ignores the gate-to-junction overlap capacitances, as given by 
(l.94), which should be taken into account when accuracy is very important. The 
channel-to-substrate capacitance has also 15een divided in half and shared between the 
source and drain junctions. Each of these capacitors should be added to the junction­
to-substrate capacitance and the junction-sidewall capacitance at the appropriate 

v, 

r 
l 1 c,, ,,.I r ds I v, 0 ¥,, o vd 

c,b c,b I I 
Fig. 1.22 A simplified triode-region model 
valid for small Vas· 
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node. Thus, we have 

(1.110) 

and 

(1.111) 

Also, 

csb = (1.112) 

and 

(1.113) 

It might be noted that Csb is often comparable in size to C95 due to its larger area and 
the sidewall capacitance. 

When the transistor turns off, the model changes considerably. A reasonable 
model is shown in Fig. 1.23. Perhaps the biggest difference is that r ds is now infinite. 
Another major difference is that C95 and Cgd are now much smaller. Since the chan­
nel has disappeared, these capacitors are now due to only overlap and fringing capac­
itance. Thus, we have 

(1.114) 

However, the reduction of C95 and C
9

d does not mean that the total gate capaci­
tance is necessarily smaller. We now have a "new" capacitor, C9b, which is the gate-

Fig. 1.23 A small-signal model for a MOS­
FET that is turned off. 
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to-substrate capacitance. This capacitor is highly nonlinear and dependent on the gate 
voltage. If the gate voltage has been very negative for some time and the gate is 
accumulated, then we have 

C9b = AchCo, = WLC 0 , (l.115) 

If the gate-to-source voltage is around O V, then C9b is equal to C0, in series with the 
channel-to-bulk depletion capacitance and is considerably smaller, especially when 
the substrate is lightly doped. Another case where C

9
b is small is just after a transistor 

has been turned off, before the channel has had time to accumulate. Because of the 
complicated nature of correctly modelling C

9
b when the transistor is turned off, 

equation (l.115) is usually used for hand analysis as a worst-case estimate. 
The capacitors Csb and Cdb are also smaller when the channel is not present. We 

now have 

(1.116) 

and 

(1.117) 

1.3 ADVANCED MOS MODEWNG 

In this section, we look at three advanced modelling concepts that a microcircuit designer 
is likely to encounter-short-channel effects, subthreshold operation, and leakage cur­
rents. 

Short-Channel Effects 

A number of short-channel effects degrade the operation of MOS transistors as device 
dimensions are scaled down. These effects include mobility degradation, reduced out­
put impedance, and hot-carrier effects (such as oxide trapping and substrate currents). 
These short-channel effects will be briefly described here. For more detailed model­
ling of short-channel effects, see [Wolf, 1995]. 

Transistors that have short channel lengths and large electric fields experience a 
degradation in the effective mobility of their carriers due to several factors. One of 
these factors is the large lateral electric field (which has a vector in a direction perpen­
dicular from the gate into the silicon) caused by large gate voltages and short channel 
lengths. This large lateral field causes the effective channel depth to change and also 
causes more electron collisions, thereby lowering the effective mobility. Another fac­
tor causing this degradation is that, due to large electric fields, carrier velocity begins 
to saturate. A first-order approximation that models this carrier-velocity saturation for 
electrons is given by 

I+ E/Ec 
(1.118) 

where E is the electric field and Ee is the critical electrical field, which might be on 
the order of 1.5 x 10

6 
V /m. Using this equation in the derivation of the I0 -V8" 
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characteristics of a MOS transistor, it can be shown [Gray, 1993] that the drain cur­
rent is now given by 

I _ µnCox WV2 
o - 2 [ 1 + 0 V eff] L eff 

( 1.119) 

where e = I /(LEc) and, for a 0.8-µm technology, might have a typical vaJue of 
0.6 V- 1• It can be shown that this mobility degradation is equivalent to a finite series 
source resistance given by 

I I 
Rsx = -----

EcµnCoxW 
(J.120) 

For µnCox = 90 µA/V 2 , this resistance might be on the order of 6 k.Q per µm of 
width (again, for a 0.8-µm-long transistor). This equivalent series source resistance is 
typically larger than the physical source resistance. This saturation causes the square­
law characteristic of the current-voltage relationship to be inaccurate, and the true 
relationship will be somewhere between Linear and square. In many voltage-to-current 
conversion circuits that rely on the square-law characteristic, this inaccuracy can be a 
major source of error. Taking channel lengths larger than the minimum allowed helps 
to minimize this degradation. 

Transistors with short channel lengths also experience a reduced output imped­
ance because depletion region variations at the drain end (which affect the effective 
channel length) have an increased proportional effect on the drain current. ln addition, 
a phenomenon known as drain-induced barrier lowering (DIBL) effectively lowers 
V1 as Vos is increased, thereby further lowering. the output impedance of a short­
channel device. This lower output impedance is the main reason that cascade current 
mirrors are becoming increasingly popular. 

Another important short-channel effect is due to hot carriers. These high-velocity 
carriers can cause harmful effects, such as the generation of electron-hole pairs by 
impact ionization and avalanching. These extra electron-hole pairs can cause currents 
to flow from the drain to the substrate, as shown in Fig. 1.24. This effect can be mod-

n+ 

'--. e 
Punch-through_,,~ 
current 

Gate 

;e Drain-to-substrate 

0 
rcurrent 

Fig. 1.24 Drain-to-substrate current caused by electron-hole pairs generated by impact 
ionization at drain end of channel. 
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elled by a finite drain-to-ground impedance. As a result, this effect is one of the major 
limitations on achieving very high output impedances of cascade current sources. In 
addition, this current flow can cause voltage drops across the substrate and possibly 
cause latch-up, as the next section describes. 

Another hot-carrier effect occurs when electrons gain energies high enough so 
they can tunnel into and possibly through the thin gate oxide. Thus, this effect can 
cause de gate currents. However, often more harmful is the fact that any charge 
trapped in the oxide will cause a shift in transistor threshold voltage. As a result, hot 
carriers are one of the major factors limiting the long-term reliability of MOS transis­
tors. 

A third hot-carrier effect occurs when electrons with enough energy punch 
through from the source to the drain. As a result, these high-energy electrons are no 
longer limited by the drift equations governing normal conduction along the channel. 
This mechanism is somewhat similar to punch-through in a bipolar transistor, where 
the collector depletion region extends right through the base region to the emitter. In a 
MOS transistor, the channel length becomes effectively zero, resulting in unlimited 
current flow ( except for the series source and drain impedances, as well as external 
circuitry). This effect is an additional cause of lower output impedance and possibly 
transistor breakdown. 

It should be noted that all of the hot-carrier effects just described are more pro­
nounced for n-channel transistors than for their p-channel counterparts because elec­
trons have larger velocities than holes. 

Finally, it should be noted that short-channel transistors have much larger sub­
threshold currents than long-channel devices. 

Subthreshold Operation 

The device equations presented for MOS transistors in the preceding sections are all 
based on the assumption that V elf (i.e., V GS - V,) is greater than about 100 m V and 
the device is in strong inversion. When this is not the case, the accuracy of the square­
law equations is poor. If V elf< -100 m V, the transistor is in weak inversion and is 
said to be operating in the subthreshold region. In this region, the transistor is more 
accurately modelled by an exponential relationship between its control voltage and 
current, somewhat similar to a bipolar transistor. In the subthreshold region, the drain 
current is approximately given by the exponential relationship [Geiger, 1990] 

Io = loo(~)etqVoslnkTJ (1.121) 

where 

(1.122) 

and it has been assumed that Vs = 0 and V0 s > 75 mV. The constant 100 might be 
around 20 nA. 
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Although the transistors have an exponential relationship in this region, the trans­
conductances are still small because of the small bias currents, and the transistors are 
slow because of small currents for charging and discharging capacitors. In addition, 
matching between transistors suffers because it now strongly depends on transistor­
threshold-voltage matching. Normally, transistors are not operated in the subthreshold 
region, except in very low-frequency and low-power applications. 

Leakage Currents 

An important second-order device limitation in some applications is the leakage cur­
rent of the junctions. For example, this leakage can be important in estimating the 
maximum time a sample-and-hold circuit or a dynamic memory cell can be left in 
hold mode. The leakage current of a reverse-biased junction (not close to breakdown) 
is approximately given by 

(1.123) 

where Ai is the junction area, ni is the intrinsic concentration of carriers in undoped 
silicon, , 0 is the effective minority carrier lifetime, and xd is the thickness of the 
depletion region. , 0 is given by 

where 'n and 'p are the electron and hole lifetimes. Also, xd is given by 

2K,e0 
--(<t>o + V,) 
qNA 

and n; is given by 

(l.124) 

(1.125) 

(1.126) 

where Ne and Nv are the densities of states in the conduction and valence bands and 
E9 is the difference in energy between the two bands. 

Since the intrinsic concentration, n;, is a strong function of temperature (it 
approximately doubles for every temperature increase of I I °C for silicon), the leak­
age current is also a strong function of temperature. Roughly speaking, the leakage 
current also doubles for every l l °C rise in temperature. Thus, the leakage current at 
higher temperatures is much larger than at room temperature. This leakage current 
imposes a maximum time on how long a dynamically charged signal can be main­
tained in a high impedance state. 

1.4 BIPOLAR-JUNCTION TRANSISTORS 

In the early electronic years, the majority of microcircuits were realized using bipolar­
junction transistors (BJTs). However, in the late 1970s, microcircuits that used MOS 
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transistors began to dominate the industry, with BJT microcircuits remaining popular 
for high-speed applications. More recently, bipolar CMOS (BiCMOS) technologies, 
where both bipolar and MOS transistors are realized in the same microcircuit, have 
grown in popularity. BiCMOS technologies are particularly attractive for mixed analog­
digital applications, and thus it is important for an analog designer to become familiar 
with bipolar devices. 

Modem bipolar transistors can have unity-gain frequencies as high as LS to 
45 GHz or more, compared to unity-gain frequencies of only I to 4 GHz for MOS 
transistors that use a technology with similar lithography resol ution. Unfortunately, in 
bipolar transistors. the base control terminal has a nonzero input current when the 
transistor is conducting current (from the collector to the emitter for an npn transistor; 
from the emitter to the collector for a pnp transistor). Fortunately, at low frequencies, 
the base current is much smaller than the collector-to-emitter current- it may be only 
1/100 of the collector current for an npn transistor. For lateral pnp transistors, the 
base current may be as large as 1/20 of the emitter-to-collector current. 

A typical cross section of an npn bipolar-junction transistor is shown in Fig. 1.25. 
Although this structure looks quite complicated, it corresponds approximately to the 
equivalent structure shown in Fig. J .26. In a good BJT transistor, the width of the base 

The base contact surrounds 
the emitter contact to 
minimize base resistance. 

Si02 insulator 
(field oxide 

Buried collector region 

Substrate or bulk 

Base 

Fig. 1.25 A cross section of an npn bipolar-junction transistor. 

Base 

I 
Emitte,~ p I n- I n• ~ Collecto, 

.. 
w 

Fig. 1.26 A simplified structure of an npn transistor. 
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Collector Emitter 

le = J3Is ir" le = J3Is ire 
= 100!8 

= 2018 

(Typical) Emitter (Typical it lateral) Collector 

(a) npn (b) pnp 

Fig. 1.27 The symbols representing la) an npn bipolar-iunction transistor and lb) a 
pnp bipolar-junction transistor. 

region, W, is small (typically, less than l µm ). Also, as we will see, the base must be 
more lightly doped than the emitter. 

The circuit symbols used to represent npn and pnp transistors are shown in 
Fig. 1.27. 

Basic Operation 

Emitter 

To understand the operation of bipolar transistors, we consider here an npn transistor 
with the emitter connected to ground, as shown in Fig. 1.28. If the base voltage, V 8 , is 
less than about 0.5 V, the transistor will be cut off, and no current will flow. We will 
see that when the base-emitter pn junction becomes forward biased, current will start 
to flow from the base to the emitter, but, partly because the base width is small, a 
much larger proportional current will flow from the collector to the emitter. Thus, the 
npn transistor can be considered a current amplifier at low frequencies. In other 

Holes 
VBE = 0.7 V 

n- collector n• 

n+ emitter 

Yee> 0.3 V 
Electrons 

I I 
I I 

Depletion region 

Fig. 1.28 Various components of the currents of an npn transistor. 
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words, if the transistor is not cut off and the collector-base junction is reverse biased, 
a small base current controls a much larger collector-emitter current. 

A simplified overview of how an npn transistor operates follows: When the base­
emitter junction becomes forward biased, it starts to conduct, similar to any forward­
biased junction. The current consists of majority carriers from the base (in this case, 
holes) and majority carriers from the emitter (in this case, electrons) diffusing across 
the junction. Because the emitter is more heavily doped than the base, there are many 
more electrons injected from the emitter than there are holes injected from the base. 
Assuming the collector voltage is large enough so that the collector-base junction is 
reverse biased, no holes from the base will go to the collector. However, the electrons 
that travel from the emitter to the base, where they are now minority carriers, diffuse 
away from the base-emitter junction because of the minority-carrier concentration gra­
dient in the base region. Any of these minority electrons that get close to the collec­
tor-base junction will immediately be "whisked" across the junction due to the large 
positive voltage on the collector, which attracts the negatively charged electrons. In 
a properly designed bipolar transistor, such as that shown in Fig. 1.25, the vertical 
base width, W, is small, and almost all of the electrons that diffuse from tbe emitter 
to the base reach the collector-base junction and are swept across the junction, thus 
contributing to current flow in the collector. The result is that the collector current 
very closely equals the electron current flowing from the emitter to the base. The 
much smaller base current very closely equals the current due to the holes that flow 
from the base to the emitter. The total emitter current is the sum of the electron col­
lector current and the hole base current, but since the hole current is much smaller than 
the electron current, the emitter current is approxin,ately equal to the collector current. 

Since the collector current is approximately equal to the electron current flowing 
from the emitter to the base, and the amount of this electron current is determined by 
the base-emitter voltage, it can be shown (see Appendix at the end of this chapter) that 
the collector current is exponentially related to the base-emitter voltage by tbe rela­
tionship 

l - l VselVr 
c = cse (1.127) 

where lcs is the scale current. This scale current is proportional to the area of the 
base-emitter junction. The base current, determined by the hole current flowing from 
the base to the emitter. is also exponentially related to the base-emitter voltage, result­
ing in the ratio of the collector current to the base current being a constant that, to a 
first-order approximation, is independent of voltage and current. This ratio, typically 
denoted as ~. is defined to be 

(l.128) 

where le and 18 are the collector and base currents. Typical values of ~ are between 
50 and 200. 

Note that ( 1.127) implies that the collector current is independent of the.collector 
voltage. This independence ignores second-order effects such as the decrease in effec­
tive base width, W, due to the increase in the width of the collector-base depletion 
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V CE-sat = 0.3V 

Fig. 1.29 Typical plot of 10 versus V CE for a BJT. 

Transistor 
breakdown 
region 

region when the collector bias voltage is increased. To illustrate this point, a typical 
plot of the collector current, le, as a function of collector-to-emitter voltage, V CE• for 
different values of I8 is shown in Fig. 1.29 for a practical transistor. The fact that the 
curves are not flat for V CE > V CE-sat indicates the dependence of le on V CE· Indeed, 
to a good approximation, the dependence is linear with a slope that intercepts the V CE 

axis at V CE =-VA for all values of I8 . The intercept voltage value, VA, is called the 
Early voltage for bipolar transistors, with a typical value being from 50 V to 100 V. 
This dependency results in a finite output impedance (as in a MOS transistor) and can 
be modelled by modifying equation (Ll27) [Sze,J981] to be 

Large-Signal Modelling 

I _ I v0,1v,(1 V CE) c = cse +­
VA 

(1.129) 

A conducting BJT that has a V CE greater than V CE-sat (which is approximately 0.3 V) 
is said to be operating in the active region. Such a collector-emitter voltage is required 
to ensure that none of the holes from the base go to the collector. A large-signal model 
of a BJT operating in the active region is shown in Fig. 1.30. 

---nVc 

Fig. 1.30 A large-signal model for a BJT in the 
active region. 
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Since Is = lc/P, we have 

Is = lcs e v.,;vT = 
p 

(1.130) 

which is similar to a diode equation, but with a multiplying constant of 
lcslP = lss. Since IE = Is+ le, we have 

I (
p + 1 \, v.,1v, _ 

1 
v.,;v, 

CS -p-; - ESe 

or equivalently 

where a has been defined as 

a= 
p 

P+l 

and for large values of p, can be approximated as 

1 a;;;l--;;;l 
p 

(1.131) 

(1.132) 

(1.133) 

(1.134) 

If the effect of V CE on le is included in the model, the current-controlled source, Pis, 
should be replaced by a current source given by 

( 
VcE)-

Ic = PI8 1 + VA (1.135) 

where VA is the Early-voltage constant. This additional modelling of the finite output 
impedance is normally not done in large-signal analysis without the use of a computer 
due to its complexity. 

As the collector-emitter voltage approaches V CE-sat (typically around 0.2 to 
0.3 V), the base-collector junction becomes forward biased, and holes from the base 
will begin to diffuse to the collector. A common model for this case, when the transis­
tor is saturated or in the saturation region, is shown in Fig. 1.31. It should be noted 
that the value of V CE-sat decreases for smaller values of collector current. 

le 
+­

~Ve_ 

V CE-sat = 0.3V 

Fig. 1.31 A large-signal model for a BJT in the satura­
tion region. 
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Base-Charge Storage in the Active Region 

When a transistor is in the active region, many minority carriers are stored in the base 
region (electrons are stored in an npn transistor). Recall that this minority charge is 
responsible for le, so this charge must be removed (through the base contact) before 
a transistor can turn off. As in a forward-bias diode, this charge can be modelled as a 
diffusion capacitance, Cd, between the base and emitter given by (see Appendix at 
the end of this chapter) 

( 1.136) 

where 'b is the base-transit-time constant. Thus, we see that the diffusion capacitance 
is proportional to le. The total base-emitter capacitance, Cbe• will include the base­
emitter depletion capacitance, Ci, in parallel with Cd. Normally, however, Ci is much 
less than Cd, unless the transistor current is small, and can often be ignored. 

Base-Charge Storage of a Saturated Transistor 

When a transistor becomes saturated, the minority-charge storage in the base and, 
even more so, in the lightly doped region of the collector, increases drastically. The 
major component of this charge storage is due to holes diffusing from the base, 
through the collector junction, and continuing on through the lightly doped n· epitax­
ial region of the collector to the n• collector region. The n· epitaxial region is so 
named because it is epitaxially grown on a p region. Most of the charge storage occurs 
in this region. Also, additional charge storage occurs because electrons that diffused 
from the collector are stored in the base, but this charge is normally smaller. The mag­
nitude of the additional charge stored by a transistor that is saturated is given by 

(1.137) 

where the base overdrive current, defined to be Ia - le/~, is approximately equal to 
the hole current from the base to the collector. Normally, in saturation, Ia>> Ie/~, 
and ( 1.137) can be approximated by 

(1.138) 

The constant 's is approximately equal to the epitaxial-region transit time, 'E (ignor­
ing the storage of electrons in the base that diffused from the collector). Since the epi­
taxial region is much wider than the base, the constant , 5 is normally much larger than 
the base transit time, the constant 'b• often by up to two orders of magnitude. The spe­
cific value of , 8 is usually found empirically for a given technology. 

When a saturated transistor is being turned off, first the base current will reverse. 
However, before the collector current will change, the saturation charge, 0,, must be 
removed. After 0, is removed, the base minority charge, Ob, will be removed. Dur-
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ing this time, the collector current will decrease until the transistor shuts off. Typi­
cally, the time to remove Os greatly dominates the overall charge removal. 

If the time required to remove the base saturation charge, ls, is much shorter than 
the epitaxial-region transit time, LE, then one can derive a simple expression for the 
time required to remove the saturation charge. If the reverse base current (when the 
saturation charge is being removed), denoted by IsR, remains constant while Os is 
being removed, then we have [Hodges. 1988] 

,,(rs-~)_ 
( 1.139) 

where 's = 'E. 
Normally, the forward base current during saturation, Is, will be much smaller 

than the_ reverse base current during saturation-charge removal, I8 R. If this were not 
the case, then our original assumption that ls << 'E = 's would not be true. In this 
case, the tum-off time of the BJT would be so slow as to make the circuit unusable in 
most applications. Nevertheless, the turn-off time for this case, when ls is not much 
less than 'E, is given by [Hodges, 1988] 

(1.140) 

The reader should verify that for IsR >> Is and IsR >> Ic/f3, the expression in 
(1.140) is approximately equivalent to the much simpler one in (l.139). 

In both of the cases just described, the time required to remove the storage charge 
of a saturated transistor is much larger than the time required to turn off a transistor in 
the active region. In high-speed microcircuit designs, one never allows bipolar tran­
sistors to saturate, to avoid the long turn-off time that would result. 

EXAMPLE 1. 13 

For 'b = 0.2 ns, ,, = 100 ns (a small value for •sl, Is = 0.2 mA, le = I 
mA, f3 = 100, and IsR = I mA, calculate the time required to remove the 
base saturation charge using ( 1.139), and compare it to the time obtained using 
the more accurate expression of ( 1.140). Compare these results to the time 
required to remove the base minority charge for the same Isa. 

Solution 
Using (1.139), we have 

= 20 ns (1.141) 
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Using ( 1.140), we have 

[

l0-
3 

+ 2 X !0-
4

• 
ls = 10-'In -3 10-' = 

lO +-
100 

17.2 ns (1.142) 

which is fairly close to the first result. 
The time required for an active transistor to remove the base minority 

charge, Qb, is given by 

(l.143) 

This is approximately 100 times shorter than the time for removing the base sat­
uration charge! 

Small-Signal Modelling 

The most commonly used small-signal model is the hybrid-it model. This model is 
similar to the small-signal model used for MOS transistors, except it includes a finite 
base-emitter impedance, r,, and it has no emitter-to-bulk capacitance. The hybrid-it 
model is shown in Fig. 1.32. As in the MOS case-, we will first discuss the transcon­
ductance, 9m, and the small-signal resistances, and then we will discuss the parasitic 
capacitances. 

The transistor transconductance, 9m, is perhaps the most important parameter of 
the small-signal model. The transconductance is the ratio of the small-signal collector 
current, i,, to the small-signal base-emitter voltage, Vbe. Thus, we have 

i, cllc 
(1.144) 9m = = 

Vbe avsE 

Base rb c,b i, 
+- Collector 

v, 
-:-+ 

v, 
,, 

+ 
cbe r, Vbe 9mVbe ro 

IC" -

... i. 
v. 

Emitter 

Fig. 1.32 The small-signal model of an active BJT. 
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Recall that in the active region 

(l.145) 

Then 

(1.146) 

Using (l.145) again. we obtain 

(1.147) 

where VT is given by 

(1.148) 

and is approximately 26 m V at a room temperature of T 300 °K. Thus, the trans­
conductance is proportional to the bias current of a BJT. In integrated-circuit design, 
it is important that the transconductance (and hence speed) remain temperature inde­
pendent, so the bias currents are usually made proportional to absolute temperature 
(since Vr is proportional to absolute temperature). 

The presence of the resistor r rr reflects the fact that the base current is nonzero. 

We have 

Because from (l.130) we have 

we therefore have 

le 
Is= -p 

a[B les Vee!V, 
= = --e 

r, avBE PVr 

Using (l.150) again. we have 

or equivalently, 

Vr p 
r, = P- = 

le 9m 

Since 

(1.149) 

(l.l 50) 

(l.151) 

(l.152) 

(l.153) 

(l.154) 
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we also have 

arc ills = --+--
avBE avse 

9m 
= 9m + J3 

= g (~) 
m ~ 

= 
9m 
(l 

(1.155) 

Some alternative models, usually called T models (see page 55), use the emitter resis­
tance, r 8 , where 

avse (l 
re = -- = 

are 9m 
(l.156) 

Continuing, we have 

arc 
= 

ro ilVce 
(1.157) 

The small-signal resistance. r O , models the dependence of the collector current on the 
collector-emitter voltage. Repeating (1.129) hen, for convenience, 

le = Iese v"1vT( 1 + ~cAE) (1.158) 

we have 

illc Ics VsE/VT 
= = -e 

ro avce VA 
( 1.159) 

Thus, 

VA 
r - -0 -

le 
(1.160) 

which is inversely proportional to the collector current. As an aside, note that gmr 
O 

= 
VA/VT is a constant value independent of the transistor operating point. This con­
stant is usually between 2,000 and 8,000 for an npn BJT and is an upper limit on the 
attainable voltage gain for a single-transistor amplifier. 

The resistor rb models the resistance of the semiconductor material between the 
base contact and the effective base region due to the moderately lightly doped base p 
material (see Fig. 1.25). This resistor, although small (typically a few hundred ohms), 
can be important in limiting the speed of very-high-frequency low-gain BJT circuits 
and is a major source of noise. 
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For le= I mA, p = 100. and VA= 100 V, calculate 9m, r,, r0 , r0 , and 

gmr O • 

Solution 
We have 

le 
9m = = 

VT 
JO X JO-' A 

0.026 V 
= 38.5 mA/V 

r, = p = 2.6 kQ 
9m 

a = (100)26 = 25.7 Q 
9m IOI 

VA JOO 
r = - = - = 100 kQ 
o le JO-' 

(1.161) 

( Ll 62) 

( Ll 63) 

(1.164) 

and 9mr0 , the maximum possible gain with a single-transistor amplifier, is given 
by 

VA 
- = 3,846 
VT 

(1,165) 

Note that this gain is much higher than the 52.6 that was found for a single MOS 
transistor in Example 1.9. Also note that this BJT maximum gain is independent 
of the bias current. For MOS transistors, it can be shown that the maximum gain 
decreases with larger bias currents in a square-root relationship. This is one of 
the reasons why it is possible to realize a single-transistor BJT amplifier with a 
much larger gain than would result if a MOS transistor were used, especially at 
high current levels (and therefore at high frequencies). 

The high-frequency operation of a BJT is limited by the capacitances of the 
small-signal model. We have already encountered one of these capacitances, Cbe• in 
Section 1.1. Recapping, we have 

(l.166) 

where Ci is the depletion capacitance of the base-emitter junction. For a forward­
biased junction, a rough approximation for Ci is 

C1 = 2AECjeo ( 1.167) 

The diffusion capacitance. Cd. is given in ( 1.136) as 
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le 
'tb­

Vr 
(1.168) 

The capacitor, Ccb• models the depletion capacitance of the collector-base junction. 
Since this is a graded junction, we can approximate Ccb by 

(1.169) 

where Ac is the effective area of the collector-base interface. 
Due to the lower doping levels in the base and especially in the collector (perhaps 

5 x 1022 acceptors/m3 and 1021 donors/m3
, respectively), <l'co, the built-in potential 

for the collector-base junction, will be less than that of the base-emitter junction (per­
haps 0.75 V as opposed to 0.9 V). It should be noted that the cross-sectional area of 
the collector-base junction, Ac, is typically much larger than the effective area of the 
base-emitter junction, AE, which is shown in Fig. 1.25. This size differential results in 
Ac CicO being larger than AE CjeO• the base-emitter junction capacitance at O V bias, 
despite the lower doping levels. 

Finally, another large capacitor is Ccs• the capacitance of the collector-to­
substrate junction. Since this area is quite large, Ccs, which is the depletion cap­
acitance that results from this area, will be much larger than either Ccb or the 
depletion capacitance component of Cbe• that is, Ci. The value of Cc, can be cal­
culated using 

ArC;,o 
(;cs = ~---'---

(
l + V cs)"' 

<I>,o 

(1.170) 

where Ar is the effective transistor area and C;,o is the collector-to-substrate capaci­
tance per unit area at 0-V bias voltage. 

A common indicator for the speed of a BJT is the frequency at which the transis­
tor's current gain drops to unity, when its collector is connected to a small-signal 
ground. This frequency is denoted 11 and is called the transistor unity-gain frequency. 
We can see how this frequency is related to the transistor model parameters by ana­
lyzing the small-signal circuit of Fig. 1.33. In the simplified model in part b, the resis­
tor rb is ignored because it has no effect on ib since the circuit is being driven by a 
perfect current source. We have 

(l.171) 

and 

( 1.172) 
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ib c,b 
i, 

-+ +-

·f 
'\A I ·I~·- II ~·,J ·1 I 1 rb 

Cbel c"J 

(a) 
ib i, 

-+ +-

·f Cbe I ·1 c,b l+ ., .. n 
r r-vbe 

(b) 

Fig. 1.33 (a) A small-signal model used to find 11; (b) an equivalent simplified model. 

Solving for ic / ib gives 

(1.173) 

At low frequencies, the current gain is gmr,, which equals the expected value of~ 
(using (l.153))_ At high frequencies, ic /ibis approximately given by 

l
ie I 9mrrr 9m 
-(CD) = = ----
ib - ro(Cbe + Ccb)r, ro(Cbe + Ccbl 

(1.174) 

To find the unity-gain frequency, we set l(ic/ib)(ro1JI = I and solve for CD1, which 
results in 

9m 
ro, = 

cbe + c,b 
(l.175) 

or 

t, = 9m 

2it(Cbe + Ccbl 
(l.176) 

Often, either 11, CO., or , 1 = 1 / CO. will be specified for a transistor at a particular bias cur­
rent. These values indicate an upper limit on the maximum frequency at which the 
transistor can be effectively used. 

The hybrid-it model is only one of a number of small-signal models that can be 
used. One common alternative is the low-frequency T model shown in Fig. 1.34. Use 
of this T model often results in a much simplified analysis, compared to use of the 
hybrid-it model, and thus it is useful for hand analysis. 
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v, Fig. 1.34 A low-frequency, small-signal T 
model for an active BJT. 

1.5 DEVICE MODEL SUMMARY 

As a useful aid, all of the equations for the large-signal and small-signal modelling of 
diodes, MOS transistors, and bipolar transistors, along with values for the various 
constants, are listed in the next few pages. 

Constants 

q = l.602 x l0- 19 C k = 1.38 x l0-23 JK-1 

-
n, = l. l x l O 

16 
carriers/m 3 at T = 300 °K Eo = 8.854X·l0- 12 F/m 

Ko, - 3.9 Ks - l l.8 

µn = 0.05 m2/V · s µp = 0.02 m2/V. s 

Diode Equations 

Reverse-Biased Diode (Abrupt Junction) 

= kT ln(NA~DJ 
q n, 
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Forward-Biased Diode 

Io 
I VD/VT I8 = A0 qn; -- + --'( Dn DP ) 

LnNA LpNo = se 

VT 
kT 

26 mV at 300 °K = - -
q 

Small-Signal Model of Forward-Biased Diode 

VT CT = Cd+C; 
rd = -

Io 

Io C; = 2C10 
Cd 

-
= 'T-

VT 

L' n 
'T = -

Dn 

MOS Transistor Equations 

The following equations are for n-channel devices-for p-channel devices, put nega­
tive signs in front of all voltages. These equations do not account for short-channel 
effects (i.e., L < 2Lmin ). 

Triode Region ( V GS> v,n, V DS :S v.,,) 
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kT (NA) q>F = q In -,:;;-
J2qK,,EoNA 

y= 
cox 

cox 
KoxLo 

= --
lox 

Small-Signal Model in Triode Region (for V0 s << V
0
ff) 

v, 

r 
r ds 

- I 
r ds = 

µnCox(~)v elf 

C9d = C9 , 
I 

- 2WLC0 x + WL0 vCox c,b = cdb = 

Active (or Pinch-Off) Region ( VGs > V,n, V0 s;:, V0 ,,) 

C;0 (A, + WL/2) 

H -
0 

Io 
µnCoxW ' 

= --· -(VGs-V,0 r[l +A(Vos-Velfll 
2 L 

A= 
I v,n = v,n-0 + y(JVss + 2q>F- ~) 

L Jv DS - V elf + <l>o 

v.ff = VGs-V,n 
2I0 = 

'µnCoxW/L 
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9m = µnCo,(~)v elf 

210 
9m = -

veff 

I 
rds = -

Alo 

A. = 
krds 

2LJVos -Veff + <Po 

2 
C

9
, = 3WLC 0 , + WL0 vC 0 , 

C,b = (A,+ WL)Cis + P ,Cj-sw 

Cdb = Ad Cid+ P dCj.sw 

Typical Values for a 0.8-µm Process 

V,n = 0.8 V 

1 .5 Device Model Summary 59 

v, 

9m = J2µnC 0 ,(W /L)lo 

g, = 
Y9m 

2JVss + l2<i>FI 

g, = 0.2gm 

-

~ krds = 
A 

Cgd = WLovCo, 

c,, = 

c,d = 

Cio 

JI + V ssl<l>o 

Ciu 

JI +V08/<1>0 

V,p = -0.9 V 

2 
µPC0 , = 30 µA/V 
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Co, 
-3 2 Ci= 2.4 X 10-4 

pF/(µm)
2 

= 1.9 x IO pF/(µm) 

Cj-sw = 2.0 X 10-
4 

pF/µm Cgs(overlap) = 2.0 X 10-
4 

pF/µm 

<i>F = 0.34 V <l>o = 0.9 V 

y = 0.5 yl/2 tox = 0.02 µm 

Ns 6 x 1021 impurities/m 
3 

= 

Bipolar-Junction Transistors 

Active Transistor 

le = 
I VaE/VT 
ese 

For more accuracy, le = 

AEqD,n; 
les = 

WNA 

IE (1+i)re 
I 

(~+!)ls = = -le = 
a 

a = 

Vr = kT 
q 

- 26 mV at 300 'K 

Iese v"1vT( I + :eAE) 

- ls 
le 

= -
~ 

le D,N 0 Lp N0 LP 
~ = - = = 2.5---

ls DpNAW NAW 

~ 
!+~ 

Small-Signal Model of an Active BJT 

I 
i 

I 
I 
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le VT p 
9m = - r rr = - = 

VT Is 9m 

a VA 
re = - ro = -

9m le 

VA 
Cd 

le 
gmro = - = 'b- = 9m'b VT VT 

cbe = c 1+cd ATC;so 
C,s = 

( Vesf' I+-
<l>so 

c,b = 
AeC;,o 

( Vesr
3 

l+-
<P,o 

1.6 SPICE-MODELLING PARAMETERS 

This section briefly describes some of the important model parameters for diodes, 
bipolar transistors, and MOS transistors used during a SPICE simulation. It should be 
noted here that not all SPICE model parameters are described. However, enough are 
described to enable the reader to understand the relationship between the relative 
parameters and the corresponding constants used when doing hand analysis. 

Diode Model 

There are a number of important de parameters. The constant Is is specified using 
either the parameter IS or JS in SPICE. These two parameters are synonyms, and only 
one should be specified. A typical. value specified for Is might be between 10-18 A 
and 10-15 A for small diodes in a microcircuit. Another important parameter is called 
the emission coefficient, n. This constant multiplies VT in the exponential diode I-V 
relationship given by 

(1.177) 

The SPICE parameter for n is N and is defaulted to 1 when not specified (I is a rea­
sonable value for junctions in a microcircuit). A third important de characteristic is 
the series resistance, which is specified in SPICE using RS. It should be noted here 
that some SPICE programs allow the user to specify the area of the diode, whereas 
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others expect absolute parameters that already take into account the effective area. 
The manual for the program being used should be consulted. 

The diode transit time is specified using the SPICE parameter TT. The most 
important capacitance parameter specified is CJ. CJO and CJ are synonyms-one 
should never specify both. This parameter specifies the capacitance at 0-V bias. Once 
again, it may be specified as absolute or as relative to the area (i.e., F/m2 

), depend­
ing on the version of SPICE used. Also, the area junction grading coefficient, MJ, 
might be specified to determine the exponent used in the capacitance equation. Typi­
cal values are 0.5 for abrupt junctions and 0.33 for graded junctions. In some SPICE 
versions, it might also be possible to specify the sidewall capacitance at 0-V bias as 
well as its grading junction coefficient. Finally, the built-in potential of the junction, 
which is also used in calculating the capacitance, can be specified using PB. PHI, VJ, 
and PHA are all synonyms of PB. 

Reasonably accurate diode simulations can usually be obtained by specifying 
only IS, CJ, MJ, and PB. However, most modem versions of SPICE have many more 
parameters that can be specified if one wants accurate temperature and noise simula­
tions. Users should consult their manuals for more information. 

Table 1.1 summarizes some of the more important diode parameters. This set of 
parameters constitutes a minimal set for reasonable simulation accuracy under ordi­
nary conditions. 

MOS Transistors 

Modem MOS models are quite complicated, so only some of the more important MOS 
parameters used in SPICE simulations are described here. These parameters are used 
in what are called the Level 2 or Level 3 models. The model level can be chosen by 
setting the SPICE parameter LEVEL to either 2 or 3. The oxide thickness, l

0
x, is spec­

ified using the SPICE parameter TOX. If it is specified, then it is not necessary to 
specify the thin gate-oxide capacitance (Cox, specified by parameter COX). The 
mobility, µn, can be specified using UO. If UO is specified, the intrinsic transistor con­
ductance (µnCo,) will be calculated automatically, unless this automatic calculation 
is overridden by specifying either KP (or its synonym, BETA). The transistor thresh­
old voltage at Vs = 0 V, V,n, is specified by VTO. The body-effect parameter, y, 

Table 1.1 Important SPICE parameters for modelling diodes 

SPICE Model 
Parameter Constant Brief Description Typical Value 

IS ls Transport saturation current 10·17 A 

RS Ra Series resistance 30 Q 

TT 'T Diode transit time 12 ps 

CJ C;o Capacitance at 0-V bias 0.01 pF 

MJ m; Diode grading coefficient exponent 0.5 

PB <l>o Built-in diode contact potential 0.9V 
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can be specified using GAMMA, or it will be automatically calculated if the substrate 
doping, NA, is specified using NSUB. Normally, one would not want SPICE to calcu­
late y because the effective substrate doping under the channel can differ significantly 
from the substrate doping in the bulk due to threshold-voltage adjust implants. The 
output impedance constant, A, can be specified using LAMBDA. Normally, 
LAMBDA should not be specified since it takes precedence over internal calculations 
and does not change the output impedance as a function of different transistor lengths 
or bias voltages (which should be the case). Indeed, modelling the transistor output 
impedance is one of weakest points in SPICE. If LAMBDA is not specified, it is cal­
culated automatically. The surface inversion potential, l2<i>FI, can be specified using 
PHI, or it will be calculated automatically. Another parameter usually specified is the 
lateral diffusion of the junctions under the gate, L0 , which is specified by LD. For 
accurate simulations, one might also specify the resistances in series with the source 
and drain by specifying RS and RD (typically only the source resistance is important). 
Many other parameters exist to model such things as short-channel effects, subthresh­
old effects, and channel-width effects, but these paramet,rs are outside the scope of 
this book. 

The modelling of parasitic capacitances in SPICE is quite involved. Originally, 
this modelling was not very accurate since it did not include charge conservation for 
the gate charge. However, this modelling has greatly improved in recent commercial 
versions of SPICE. The capacitances under the junctions per unit area at 0-V bias, 
(i.e., Ci0) can be specified using CJ or can be calculated automatically from the speci­
fied substrate doping. The sidewall capacitances at O V, Cj-swo, should normally be 
specified using CJSW because this parameter is used to calculate significant parasitic 
capacitances. The bulk grading coefficient specified by MJ can usually be defaulted to 
0.5. Similarly, the sidewall grading coefficient specified by MJSW can usually be 
defaulted to 0.33 (SPICE assumes a graded junction). The built-in bulk-to-junction 
contact potential, <I>0, can be specified using PB or defaulted to 0.8 V (note that 0.9 V 
would typically be more accurate, but the resulting simulation differences are small). 
Sometimes the gate-to-source or drain-overlap capacitances can be specified using 
CGSO or CGDO, but normally these would be left to be calculated automatically 
using COX and LD. 

Some of the more important parameters that should result in reasonable simula­
tions (except for modelling short-channel effects) are summarized in Table 1.2 for 
both n- and p-channel transistors. Table 1.2 lists reasonable parameters for a typical 
0.8-µm technology. 

Bipolar Junction T ronsistors 

For historical reasons, most parameters for modelling bipolar transistors are specified 
absolutely. Also, rather than specifying the emitter area of a BJT in (µm) 2 on the line 
where the individual transistor connections are specified, most SPICE versions have 
multiplication factors. These multiplication factors can be used to automatically mul­
tiply parameters when a transistor is composed of several transistors connected in par­
allel. This multiplying parameter is normally called M. 
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Table 1.2 A reasonable set of MOS parameters for a typical 0.8-µm technology 

SPICE 
Parameter 

VTO 

uo 
TOX 

LD 

GAMMA 

NSUB 

PHI 

PB 

CJ 

CJSW 

MJ 

MJSW 

Model 
Constant Brief Description Typical Value 

V1n:V1p Transistor threshold voltage (in V) 0.7:-0.9 

µo:µp Carrier mobility in bulk (in cm2/V ·s) 500: 175 

to, Thickness of gate oxide (in m) 1.8 X 10-8 

Lo Lateral diffusion of junction under gate (in m) 6 X 10-X 

y Body-effect parameter 0.5: 0.8 

NA:No The ~ubstrate doping (in cm-3) 3 X 10 16 :7.5 X 10 16 

l2$FI Surface inversion potential (in V) 0.7 

<Po Built-in contact potential of junction to bulk (in V) 0.9 

cjo Junction-depletion capacitance at 0-V bias (in F/m2
) 2.5 X ]()-

4 :4.0 X I0-4 

cj.swo Sidewall capacitance at 0-V bias (in F/m) 2.0 X 10-l0:2.8 X Jff·lO 

m, Bulk-to-junction exponent (grading coefficient) 0.5 

mj-SW Sidewall-to-junction exponent (grading coefficient) (l.3 

The most important de parameters are the transistor current gain. p, specified by 
the SPICE parameter BF; the transistor-transport saturation current. Ics, specified 
using the parameter IS; and the Early-voltage constant, specified by the parameter 
VAF. Typical values for these might be JOO, 10-N A. and 50 V. respectively. If one 
wants to model the transistor in reverse mode (where the emitter voltage is higher 
than the collector voltage for an npn), then one might specify BR. ISS. and VAR, as 
well; these are the parameters that correspond to BIF, IS, and V AF in the reverse 
direction. Typically. this reverse-mode modelling is not important for most circuits. 
Some other important de parameters for accurate simulations are the base, emitter, 
and collector resistances. which are specified by RB. RE. and RC, respectively. It is 
especially important to specify RB (which might be 200 Q to 500 0). 

The important capacitance parameters and their corresponding SPICE parameters 
include the depletion capacitances at 0-V bias voltage, CJE. CJC. CJS; their grading 
coefficients, MJE. MJC, MJS: and their built-in voltages. VJE. VJC, VJS, for base­
emitter, base-collector. and collector-substrate junctions. Again. the 0-V depletion 
capacitances should be specified in absolute values for a unit-sized transistor. Normally 
the base-emitter and base-collector junctions are graded (i.e., MJE. MJC = 0.33), 
whereas the collector-substrate junction may be either abrupt (MJS = 0.5) or graded 
(MJS = 0.5). depending on processing details. Typical built-in voltages might be 0.75 V 
to 0.8 V. In addition. for accurate simulations. one should specify the forward-base 
transit time. 'F• specified by TF. and. if the transistor is to be operated in reverse mode 
or under saturated conditions, the reverse-base transit time, 'CR, specified by TR. 

The most important of the model parameters just described are summarized in 
Table l.3. 

Once again, many other parameters can be specified if accurate ~imulation is 
desired. Other parameters might include those to model p degradation under high or 
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SPICE 
Parameter 

BF 

ISS 

VAF 

RB 

RE 

CJE 

CJC 

CJS 

MJE 

MJC 

MJS 

TF 

TR 

1.7 Appendix 65 

The mast important SPICE paramelers for modelling BJT s 

Model 
Constant Brief Description Typical Value 

p Transistor current gain in forward direction 100 

lcs Transport saturation current in forward direction 2 X 10-18 A 

VA Early voltage in forward direction 50V 

r b Series base resistance 500 Q 

Re Series emitter resistance 30 Q 

C;ao Base-emitter depletion capacitance at O V 0.015 pf 

CjeO Base-collector depletion capacitance at O V 0.018 pf 

Cjeo Collector-substrate depletion capacitance at O V 0.040pf 

m. Base-emitter junction exponent (grading factor) 0.30 

m, Base-collector junction exponent (grading factor) 0.35 

m, Collector-substrate junction exponent (grading factor) 0.29 

SF Forward-base transit time 12 ps 

'" Reverse-base transit time 4 ns 

low current applications and parameters for accurate noise and temperature analysis. 
Readers should refer to their SPICE manuals for descriptions of these parameters. 

1.7 APPENDIX 

The purpose of this appendix is to present derivations for device equations that rely 
heavily on device physics knowledge. Specifically, equations are derived for the 
exponential relationship and diffusion capacitance of diodes, for the threshold voltage 
and triode relationship for MOS transistors, and for the exponential relationship and 
base charge storage for bipolar transistors. 

Diode Exponential Relationship 

The concentration of minority carriers in the bulk, far from the junction, is given by 
Eqs. (1.2) and (1.4). Close to the junction, the minority-carrier concentrations are 
much larger. Indeed, the concentration next to the junction increases exponentially 
with the external voltage, VO , that is applied in the forward direction. The concentra­
tion of holes in then side next to the junction, Pn, is given by [Sze, 1981] 

Pn = (1.178) 

Similarly, the concentration of electrons in the p side next to the junction is given by 
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0 

nj Vo/VT 
= -e 

NA 
(l.179) 

As the carriers diffuse away from the junction, their concentration exponentially 
decreases. The relationship for holes in the n side is 

-x/L 
Pn(X) = Pn(O)e ' ( 1.180) 

where X is the distance from the junction and LP is a constant known as the diffusion 
length for holes in then side. Similarly, for electrons in the p side we have 

-x/L 
np(x) = np(O)e ' (1.181) 

where Ln is a constant known as the diffusion length of electrons in the p side. Note 
that Pn (0) and np (0) are given by ( 1.178) and ( 1.179), respectively. Note also that the 
constants Ln and LP are dependent on the doping concentrations NA and N 0 , respec­
tively. 

The current density of diffusing carriers moving away from the junction is given 
by the well-known diffusion equations [Sze, 1981]. For example, the current density 
of diffusing electrons is given by 

dnp(x) 
-qD--

n dx 
(1.182) 

where Dn is the diffusion constant of electrons in the p side of the junction. The nega­
tive sign is present because electrons have Ilegative charge. Note that Dn = 
(kT /q)µn, where µn is the mobility of electrons. Using (1.181), we have 

Therefore 

dnp(X) = np(O) 
6

-uL, = _ np(x) 

dx Ln Ln 

qDn 
-np(X) 
Ln 

(l.183) 

(1.184) 

Thus, the current density due to diffusion is proportional to the minority-carrier con­
centration. Next to the junction, all the current flow results from the diffusion of 
minority carriers. Further away from the junction, some of the current flow is due to 
diffusion and some is due to majority carriers drifting by to replace carriers that 
recombined with minority carriers or diffused across the junction. 

Continuing, we use (1.179) and (1.184) to deterrnine the current density next to 
the junction of electrons in the p side: 

qD"n (0) 
L P 

n 
(1.185) 
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For the total current of electrons in the p side, we multiply ( 1.185) by the effec­
tive junction area, A0 . The total current remains constant as we move away from 
the junction since, in the steady state, the minority carrier concentration at any par­
ticular location remains constant with time. In other words, if the current changed as 
we moved away from the junction, the charge concentrations would change with 
time. 

Using a similar derivation, we obtain the total current of holes in then side, I0 .p, 
as 

' AoqDnni Vo/VT 
----e 

LpNo 
Io-p = (1.186) 

where Dn is the diffusion constant of electrons in the p side of the junction, LP is the 
diffusion length of holes in the n side, and N0 is the impurity concentration of donors 
in the n side. This current, consisting of positive carriers, flows in the direction oppo­
site to that of the flow of minority electrons in the p side. However, since electron car­
riers are negatively charged, the direction of the current flow is the same. Note also 
that if the p side is more heavily doped than the n side, most of the carriers will be 
holes, whereas if the n side is more heavily doped than the p side, most of the carriers 
will be electrons. 

The total current is the sum of the minority currents at the junction edges: 

I = A n'(~ + 2}Vo!V, 
D Dq ' L N L N 

n A p D 

Equation (1.187) is often expressed as 

where 

I _ I v01v, 
o - se 

18 = A 0 qn, -- + --'[ D, DP J 
L,NA LpNo 

(1.187) 

(1.188) 

(1.189) 

Equation ( 1.188) is the well-known exponential current-voltage relationship of forward­
biased diodes. 

The concentrations of minority carriers near the junction and the direction of cur­
rent flow are shown in Fig. 1.35. 

Diode-Diffusion Capacitance 

To find the diffusion capacitance, Cd, we first find the minority charge close to the 
junction, ad, and then differentiate it with respect to VO. The minority charge close 
to the junction, ad, can be found by integrating either (1.180) or (1.181) over a few 
diffusion lengths. For example, if we assume npo, the minority electron concentration 
in the p side far from the junction is much less than np(O), the minority electron con-
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Direction of positive current 

Hole 
diffusion Pa nP np(O) Electron 

Immobile diffusion 

Pa(O) charge 

~ + + + np(O)e-x,IL, -x IL 
p,(O)e P ' + + + 

+ + + 
Pao p + + + n n,o 

x, n side p side x, 
Depletion region 

Fig. 1.35 The concentration of minority carriers and the direction of diffusing carriers 
near a forward-biased junction. 

centration at the junction edge, we can use (1.181) to obtain 

On = qA0 J: n0 (x) dx 

f= -X/L = qA0 n0(0)e "dx 
0 -

= qA0 Lnn 0(0) 

Using (1.4) for n0(0) results in 

In a similar manner, we also have 

(1.190) 

(1.191) 

(1.192) 

For a typical junction, one side will be much more heavily doped than the other 
side, and therefore the minority charge storage in the heavily doped side can be 
ignored since it will be much less than that in the lightly doped side. Assuming the n 
side is heavily doped, we find the total charge, Od, to be approximately given by 0 0 , 

the minority charge in the p side. Thus, the small-signal diffusion capacitance, Cd, is 
given by 

(1.193) 

Using ( 1.187) and again noting that N0 >> NA, we have 

I 
l 

t 

I 
t 

t 
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Equation ( 1.194) is often expressed as 

where 'T is the transit time of the diode given by 

L' n 'T = -
Dn 

l .7 Appendix 69 

(1.194) 

(l.195) 

(1.196) 

for a single-sided diode in which the n side is more heavily doped. 

MOS Threshold Voltage and the Body Effect 

Many factors affect the gate-source voltage at which the channel becomes conductive. 
These factors are as follows: 

1. The work-function difference between the gate material and the substrate 
material 

2. The voltage drop between the channel and the substrate required for the 
channel to exist 

3. The voltage drop across the thin oxide required for the depletion region, with 
its immobile charge, to exist 

4. The voltage drop across the thin oxide due to unavoidable charge trapped in 
the thin oxide 

5. The voltage drop across the thin oxide due to implanted charge at the surface 
of the silicon. The amount of implanted charge is adjusted in order to realize 
the desired threshold voltage. 

The first factor affecting the transistor threshold voltage, Vth• is the built-in Fermi 
potential due to the different materials and doping concentrations used for the gate 
material and the substrate material. If one refers these potentials to that of intrinsic sil­
icon [Tsividis, 1987]. we have 

kT (No) 
<PF-Gate = - In -

q n; 
(1.197) 

for a polysilicon gate with doping concentration ND, and 

kT ( n;) 
<PF-Sob = q In NA (1.198) 

for a p substrate with doping concentration NA. The work-function difference is then 
given by 
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= kT ln(NoNAJ 
q n' 

' 

(1.199) 

The next factor that determines the transistor threshold voltage is the voltage drop 
from the channel to the substrate, which is required for the channel to exist. The ques­
tion of exactly when the channel exists does not have a precise answer. Rather, the 
channel is said to exist when the concentration of electron carriers in the channel is 
equal to the concentration of holes in the substrate. At this gate voltage, the channel is 
said to be invened. As the gate voltage changes from a low value to the value at which 
the channel becomes inverted, the voltage drop in the silicon also changes, as does the 
voltage drop in the depletion region between the channel and the bulk. After the chan­
nel becomes inverted, any additional increase in gate voltage is closely equal to the 
increase in voltage drop across the thin oxide. In other words, after channel inversion, 
gate voltage variations have little effect on the voltage drop in the silicon or the deple­
tion region between the channel and the substrate. 

The electron concentration in the channel is equal to the hole concentration in the 
substrate when the voltage drop from the channel to the substrate is equal to two times 
the difference between the Fermi potential of the substrate and intrinsic silicon, <i>F, 
where 

kT (N~ I 
<i>F = -qln n.) (1.200) 

Equation ( 1.200) is a factor in several equations used in modelling MOS transistors. 
For typical processes, <i>F can usually be approximated as 0.35 V for typical doping 
levels at room temperature. 

The third factor that affects the threshold voltage is due to the immobile negative 
charge in the depletion region left behind after the p mobile carriers are repelled. This 
effect gives rise to a voltage drop across the thin oxide of -Os/Cox, where 

0 8 = -qNAXo (1.201) 

and x0 is the width of the depletion region. Since 

2K,e0 l2<i>FI 
(1.202) 

we have 

(l.203) 

The fourth factor that determines V1n is due to the unavoidable charge trapped in 
the thin oxide. Typical values for the effective ion density of this charge, N0,, might 
be 2 x 10 14 to 1015 ions/m3

. These ions are almost always positive. This effect gives 
rise to a voltage drop across the thin oxide, V ox• given by 

-Qo, -qNo, 
V ox = = (1.204) 

Cox Cox 
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The native transistor threshold voltage is the threshold voltage that would occur natu­
rally if one did not include a special ion implant used to adjust the threshold voltage. 
This value is given by 

Vt-native (l.205) 

A typical native threshold value might be around --0.1 V. It should be noted that tran­
sistors that have native transistor threshold voltages are becoming more important in cir­
cuit design where they might be used in transmission gates or in source-follower buffers. 

The fifth factor that affects threshold voltage is a charge implanted in the silicon 
under the gate to change the threshold voltage from that given by ( 1.205) to the 
desired value, which might be 0.7 V for an n-channel transistor. 

For the case in which the source-to-substrate voltage is increased, the effective 
threshold voltage is increased. This is known as the body effect. The body effect occurs 
because, as the source-bulk voltage, V ss, becomes larger, the depletion region 
between the channel and the substrate becomes wider, and therefore more immobile 
negative charge becomes uncovered. This increase in charge changes the third factor 
in determining the transistor threshold voltage. Specifically, instead of using ( 1.203) to 
determine 0 8, one should now use 

(1.206) 

If the threshold voltage when V58 = 0 is denoted Vtno, then, using (1.205) and (1.206), 
one can show that 

v,n = v,no + /1,. v,n 

( 1.207) 

= v,no + r( Jv SB+ j2<1>FI - Jj2<1>FI) 
where 

(1.208) 

The factory is often called the body-effect constant. 

MOS Triode Relationship 

The current flow in a MOS transistor is due to drift current rather than diffusion cur­
rent. This type of current flow is the same mechanism that determines the current in a 
resistor. The current density, J, is proportional to the electrical field, E, where the 
constant of proportionality, cr, is called the electrical permittivity. Thus, 

J = crE (1.209) 
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This constant for an n-type material is given by 

(J = qnµn ( 1.210) 

where n is the concentration per unit volume of negaLive carriers and µn is the mobil­
ity of electrons. Thus, the current density is given by 

(1.211) 

Next, consider the current flow through the volume shown in Fig. 1.36, where the 
volume bas height H and width W. The current is flowing perpendicular to the plane 
H x W down the length of the volume, L. The current, I, everywhere along the length 
of the volume is given by 

l=JWH (1.212) 

The voltage drop along the length of the volume in the direction of L for a distance dx 
is denoted dV and is given by 

dV = E(x) dx 

Combining ( 1.211), (1.212), and (1.213), we obtain 

qµnWHn(x) dV = I dx 

(l .213) 

(1.214) 

where the carrier density n(x) is now assumed to change along the length L and is 
therefore a function of x. 

As an aside, we examine the case of a resistor where n(x) is usually constant. A 
resistor of length L would therefore have a cw-rent given by 

qµnWH 
I= L t:N 

Thus, the resistance is given by 

R = 

Unit volume 

L 

J Current flow through 
unit volume 

Fig. 1.36 Current flowing through o unit volume. 

( 1.215) 

(1.216) 
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Often this resistance is presented in a relative manner, in which the length and width 
are removed (since they can be design parameters) but the height remains included. ln 
this case, the resulting expression is commonly referred to as the resistance per 
square and designated as R0 where 

(1.217) 

The total resistance is then given by 

( 1.218) 

This equation is important when calculating the resistance of interconnects used in 
integrated circuits. 

In the case of a MOS transistor. the charge density is not constant down the chan­
nel. If, instead of the carrier density per unit volume, one expresses n(x) as a function 
of charge density per square area from the top looking down, we have 

On(X) = qHn(x) 

Substituting (l.219) into (1.214) results in 

µn WQn(x) dV = I dx 

(l.219) 

( 1.220) 

Equation (1.220) applies to drift current through any structure that has varying charge 
density in the direction of the current flow. It can also be applied to a MOS transistor 
in the triode region to derive its I-V relationship. It should be noted here that in this 
derivation, it is assumed the source voltage is the 38.Ille as the substrate voltage. 

Since the transistor is in the triode region, we have V DG < -V1n. This require­
ment is equivalent to Vos< V GS - V1n = V eff· It is assumed that the effective chan­
nel length is L. Assuming the voltage in the channel at distance x from the source is 
given by Vch (x), from Fig. 1.37, we have 

Qn(X) = Cox[VGs- vch(X)-V1nl (1.221) 

Substituting (1.221) into (l.220) results in 

µnWC 0 x[VGs-Vch(x)-V1nJdVch = lodX (l.222) 

" I .. • • • • • • • "' "" 

L 

Fig. 1.37 The transistor definitions used in developing the transistor's 1-V relationship. 
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Integrating both sides of ( 1.222), and noting that the total voltage along the channel of 
length L is V DS• we obtain 

(1.223) 

which results in 

(1.224) 

Thus, solving for I0 results in the well-known triode relationship for a MOS transis­
tor: 

( 1.225) 

It should be noted that taking into account the body effect along the channel, the tri­
ode model of (1.225) is modified to 

( 1.226) 

where a _ 1.7 [Tsividis, 1987]. 

Bipolar Transistor Exponential Relationship 

The various components of the base, collector, and emitter currents were shown in 
Fig. 1.28, on page 44. Figure 1.38 shows plots of the minority-carrier concentrations 

n+ emitter p- base region n- collector 
region 

b(O) 
region 

Electron • current 

P,(O) 

p 4 Hole curren\ 
eo 

~ p n p 

X = 0 w 
Fig. 1.38 The concentrations of minority carriers in the emitter, base, and collector. 

r 
r 
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in the emitter, base, and collector regions. The current flow of these minority carriers 
is due to diffusion. By calculating the gradient of the minority-carrier concentrations 
near the base-emitter junction in a manner similar to that used for diodes, it is possible 
to derive a relationship between the electron current and the hole current of Fig. 1.28. 

The concentration of holes in the emitter at the edge of the base-emitter depletion 
region is denoted Pe(O). This concentration decreases exponentially the farther one 
gets from the junction, in a manner similar to that described for diodes. The concen­
tration far from the junction, p.o, is given by 

' nj 
Peo = N 

0 

(1.227) 

where N0 is the doping density of the n+ emitter. At a distance x from the edge of the 
emitter-base depletion region, we have 

where 

-x/L 
P.(x) = P.(o). ' 

Pe(O) 

' nj VsE/VT = -e 
No 

and where V BE is the forward-bias voltage of the_base-emitter junction. 

(1.228) 

(1.229) 

At the edge of the base-emitter depletion region, the gradient of the hole concen­
tration in the emitter is found, using (1.228), to be 

dp.(x) I = 
dX Xe 0 

Using (1.229). we can rewrite this as 

The hole current is now found using the diffusion equation 

dp.(x) I 
lpe = AEqD 0--dx xcO 

(1.230) 

(1.231) 

( 1.232) 

where AE is the effective area of the emitter. Recall that the minority-hole current in 
the emitter, lpe, is closely equal to the base current, I8 . After combining (1.231) and 
(1.232), we obtain 

(l.233) 

88 of 720



76 Chapter l • Integrated-Circuit Devices and Modelling 

The situation on the base side of the base-emitter junction is somewhat different. 
The concentration of the minority carriers, in this case electrons that diffused from the 
emitter, is given by a similar equation, 

( 1.234) 

However, the gradient of this concentration at the edge of the base-emitter depletion 
region is calculated differently. This difference in gradient concentration is due to the 
close proximity of the collector-base junction, where the minority carrier (electron) 
concentration, nb(W), must be zero. This zero concentration at the collector-base 
junction occurs because any electrons diffusing to the edge of the collector-base 
depletion region immediately drift across the junction to the collector, as stated previ­
ously. If the base "width" is much shorter than the diffusion length of electrons in the 
base, Ln, then almost no electrons will recombine with base majority carriers (holes) 
before they diffuse to the collector-base junction. Given this fact, the decrease in elec­
tron or minority concentration from the base-emitter junction to the co11ector-base 
junction is a linear relationship decreasing from nb(O) at the emitter junction to zero at 
the collector junction in distance W. This assumption ignores any recombination of 
electrons in the base as they travel to the collector, which is a reasonable assumption 
for modem transistors that have very narrow bases. Thus, throughout the base region, 
the gradient of the minority-carrier concentration is closely given by 

dnb(x) nb(O) 
= dx W 

Combining (1.235) with the diffusion equation, we obtain 

lnb = 
dnb(O) 

-AEqDn~ 

Remembering that Inb is closely equal to the collector current le, we have 

where 

I - I VBE/VT 
c = cse 

(l.235) 

(1.236) 

(1.237) 

( 1.238) 

The ratio of the collector current to the base current, commonly called the transistor 
common-emitter current gain and denoted ~' is found using (1.237), (1.238), and 
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(l.233). We have 

(l.239) 

which is a constant independent of voltage and current. Noting that N0 >>NA, LP> 
W, and Dn = 2.5 DP, we have ~ >> 1. A typical value might be between 50 and 
200. The derivation of~ just presented ignores many second-order effects that make~ 
somewhat current and voltage dependent and are beyond the scope of this book. Inter­
ested readers should see Roulston, 1990, for more details. Regardless of second-order 
effects, equation ( 1.239) does reflect the approximate relationships among ~. doping 
levels, and base width. For example, (1.239) explains why heavily doped emitters are 
important to achieve large current gain. 

Base Charge Storage of an Active BJT 

Figure 1.38 shows a minority-carrier storage in the base region, O,, given by 

a,= 

Using (1.234) for nb(O), we have 

a,= 

This equation can be rewritten using (1.237) and (1.238) to obtain 

w' 
O, = -

0 
le = ,,le 

2 n 

where ,:b, called the base-transit time constant, is given approximately by 

(1.240) 

(l.241) 

(l.242) 

(1.243) 

ignoring second-order effects. Normally, the base-transit time constant is specified for 
a given technology and takes into account other charge-storage effects not considered 
here, and is therefore often denoted 'T . However, since the base storage of electrons 
dominates the other effects, we have 'T = 'b· 

If the current in a BJT changes, the base charge storage must also change. This 
change can be modelled by a diffusion capacitance, Cct, between the base and the 
emitter terminals. Using ( 1.242), we have 

(l.244) 
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VeEIVr . 
Using (l .244) and le = Iese results m 

le 
Cd = •b­

VT 

This equation is similar to that for a diode. 
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1. 9 PROBLEMS 

Unless otherwise stated, assume the following hold throughout the problems 
section: 

• Room temperature = 300 ° K 

• npn bipolar transistors: 

13 = 100 
VA = 80 V 
'b=13ps 
't5 = 4 ns 
rb = 330 Q 

• n-channel MOS transistors: 
µnCox = 92 µA/V

2 

V,n = 0.8 V 
y = 0.5 yl/2 

r ds (Q) = 8000L (µm)/lo (mA) in active region 
Ci= 2.4 x 10-

4 
pF/(µm) 2 

Cj-sw = 2.0 X 10-
4 

pF/µm 
Cox= 1.9 X 10-

3 pF/(µm)
2 

Cgs(overlap) = Cgd(overlap) = 2.0 X 10-4 pF/µm 

• p-channel MOS transistors: 
µpCox = 30 µA/V

2 

V,p = -0.9 V 
y = o.8 v 112 

rd, (Q) = 12,000 L (µm)/1 0 (mA) in active region 
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-4 2 Ci= 4.5 X 10 pF/(µm) 
-4 

Cj-sw = 2.5 X 10 pF/µm 
C 0 x = 1.9 X 10-3 pF/(µm) 2 

Cgs(overlap) = Cgd(overlap) = 2.0 X 10-
4 

pF/µm 

1.1 Estimate the hole and electron concentrations in silicon doped with arsenic at a 
concentration of 1025 atoms/m 3 at a temperature 22 °C above room tempera­
ture. Is the resulting material n type or p type? 

1.2 For the pn junction of Example 1.2, does the built-in potential, <1>0 , increase or 
decrease when the temperature is increased 11 °C above room temperature? 

1.3 Calculate the amount of charge per (µm )' in each of the n and p regions of the 
pn junction of Example 1.2 for a 5-V reverse-bias voltage. How much charge 
on each side would be present in a 10 µm x 10 µm diode? 

1.4 A silicon diode has 11 = 12 ps and Cjo = 15 fF. lt is biased by a 43-kn resistor 
connected between the cathode of the diode and the input signal, as shown in 
Fig. Pl.4. Initially, the input is 5 V, and then at time O it changes to O V. Esti­
mate the time it takes for the output voltage to change from 5 V to 1.5 V (i.e., 
the t>.1_70% time). Repeat for an input voltage change from O V to 5 V and an 
output voltage change from O V to 3.5 V. 

R 

,~---~::> vout 

43 kQ 

D 

Fig. Pl .4 

1.5 Compare your answers for Problem 1.4 to those obtained using a SPICE simu­
lation. 

1.6 Verify that when Vos = V elf is used in the triode equation for a MOS transis­
tor, the current equals that of the active region equation given in (l.67). 

1. 7 Find I0 for an n-channel transistor having doping concentrations of 
N0 = 1025 and NA= 1022 

with W = 50 µm, L = 1.5 µm, 
V GS = I. I V , and Vos = V elf. Assuming A remains constant, estimate the 
new value of I0 if Vos is increased by 0.3 V . 

1.8 AMOS transistor in the active region is measured to have a drain current of 20 µA 
when Vos = V ett. When Vos is increased by 0.5 V, I0 increases to 23 µA. 
Estimate the output impedance, r ds , and the output impedance constant, A . 

1.9 Derive the low-frequency model parameters for an n-channel transistor having 
doping concentrations of NO = 10

25 
and NA = 10

22 
with W = IO µm, 

L = 1.2 µm, V GS = 1.1 V, and Vos = V elf. Assume that V SB = 1.0 V. 
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I.IO Find the capacitances C9,, C9d, Cdb• and C,b for a transistor having 
W = SO µm and L = 1.2 µm. Assume that the source and drain junctions 
extend 4 µm beyond the gate. resulting in source and drain areas being 
A, = Ad = 200 (µm)2 and the perimeter of each being P, = Pd = 58 µm. 

I.11 Consider the circuit shown in Fig. Pl.I 1, where V,n is a de signal of I V. 
Taking into account only the channel charge storage, determine the final 
value of V out when the transistor is turned off, assuming half the channel 
charge goes to CL. 

5V 

..i 
v,n O>---~TT~---r-+---0 V '"' 

10 µm/0.8 mm I C,= 1 pF 

Fig. Pl.11 

1.I2 For the same circuit as in Problem 1.11. the input voltage has a step voltage 
change at time O from I V to 1.2 V (the gate voltage remains at 5 V). Find its 
99 percent settling time (the time it takes to settle to within I percent of the 
total voltage change). You may ignore the body effect and all capacitances 
except CL. Also assume that v,n = v,no. Repeat the question for v,n chang-
ing from 3 V to 3.1 V. ~ 

1.13 Repeat Problem 1.11, but now take into account the body effect on V,n. 

l.I4 For an npn transistor having le = 0.1 mA, calculate 9m, r,, r0, r0, and 9mr0 . 

I.IS A bipolar junction transistor has the following SPICE parameters (the SPICE 
name for the parameter is included in parentheses): 
I8 (JS) = 2.0 x 10-18 

BF (BF) = 100 
Be (BR) = I 
VA(VA) = 50V 

-I" 
'F (TF) = 12 x 10 - s 

-9 
'A (TR) = 4 x 10 s 
C100 (CJE) = 15 X 10-15 F 
<1>0 (VJE) = 0.9 V 
m0 (MJE) = 0.27 
C 

-15 
JCO (CJC) = 18 x 10 F 

<1>0 (VJC) = 0.7 V 
m, (MJC) = 0.37 
CJS0 (CJS) = 40 X 10-lS F 
<I>, (V JS) = 0.64 V 
m, (MJS) = 0.29 
R0 (RE) = 30 
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Rb (RB) = 500 
Re (RC) = 90 

1 .9 Problems 81 

Initially, the circuit shown in Fig. Pl.15 has a 0-V input. At time O its input 
changes to 5 V. Estimate the time it takes its output voltage to saturate, using the 
concepts of average capacitance and first-order transient solutions for each node. 
The time constants of the individual nodes can be added to arrive at an overall 
time constant for the approximate first-order transient response of the circuit. 
Next, assume that the input changes from 5 V to O V at time 0. How long does 
it take the output voltage to change to 3.5 V? 

V00 = 5 V 

R, 48 kn 

voul 

R, 

Fig. Pl.15 

1.16 Compare your answers to Problem 1.15 toJhose obtained using SPICE. 

1.17 Verify that forl8 R >> I8 and I8 R >>le/ [3, Eq. (1.140) simplifies to Eq. 
(1.139). 
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CHAPTER 

Processing and Layout 

This chapter describes the steps and processes used in realizing modern integrated cir­
cuits. While emphasis is placed on CMOS processing. the technology required for 
BJT circuits is also described. After processing is presented, circuit layout is covered. 
Layout is the design portion of integrated-circuit manufacturing, m which the geome­
try of circuit elements and wiring connections is defined. This process leads to the 
development of photographic masks used in manufacturing a microcircuit. The con­
cepts of design rules and their relationship to microcircuits are emphasized. Next, cir­
cuit layout is related to the transistor models. Here, it is shown that once the layout is 
completed, the values of certain elements in the transistor models can be determined. 
This knowledge is necessary for accurate computer simulation of integrated circuits. 
It is also shown that, by using typical design rules, one can make reasonable assump­
tions to approximate transistor parasitic components before the layout has been done. 
Analog layout issues are then discussed, includiQg matching and noise considerations. 
Finally, this chapter concludes with a discussion of a destructive mechanism in 
CMOS circuits known as latch-up. 

2. 1 CMOS PROCESSING 

In this section. the basic steps involved in processing a CMOS microcircuit are pre­
sented. For illustrative purposes, we describe here an example n-well process (with, 
of course, a p substrate) and two layers of metal. Although the list is not complete, 
this section also describes many of the possible variations during processing. 

The Silicon Wafer 

The first step in realizing a microcircuit is to fabricate a defect-free, single­
crystalline, lightly doped wafer. To realize such a wafer, one starts by creating met­
allurgical-grade silicon through the use of a high-temperature chemical process in 
an electrode-arc furnace. Although metallurgical-grade silicon is about 98 percent 
pure, it has far too many impurities for use in realizing microcircuits. Next, a silicon­
containing gas is formed and then reduced. Pure silicon is precipitated onto thin 
rods of single-crystalline silicon. This deposited electronic-grade silicon is very pure 

82 
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but, unfortunately, it is also polycrystalline. To obtain single-crystalline silicon, the 
silicon is melted once again and allowed to cool. As it cools, a single-crystalline 
ingot is slowly pulled and turned from the molten silicon using the Cwchralski 
method. The Czochralski method starts with a seed of single crystal silicon, and the 
pull rate and speed of rotation determine the diameter of the crystalline rod or ingot. 
Typical diameters might be 10 to 20 cm (i.e .. 4 to 8 inches) with lengths usually 
longer than 1 meter. Producing a silicon ingot can take several days. 

Normally. heavily doped silicon is added to the melt before the single-crystalline 
ingot is pulled. After the doped silicon diffuses through the molten silicon, a lightly 
doped silicon ingot results. In our example process. boron impurities would be added 
to produce a p- ingot. 

The ingot is cut into wafers using a large diamond saw. A typical wafer might 
have a thickness of about I mm. After the ingot is sawed into wafers, each wafer is 
polished with Al20 3, chemically etched to remove mechanically damaged material, 
and then fine-polished again with Si02 particles in an aqueous solution of NaOH. 

Very often, the company that produces the silicon wafers is not the same com­
pany that eventually patterns them into monolithic circuits. Sometimes, the surface of 
the wafer might be doped more heavily. and a single-crystal epitaxial layer of the 
opposite type might be grown over its surface before the wafer-manufacturing com­
pany delivers the wafers to the processing company. This layered approach results in 
an epitaxial ivafer. 

A starting wafer of p- might be doped around the level of NA = 2 x 10
21 

donor I m3 Such a doping level would give a resistivity of 10 to 20 Q · cm. 

Photolithography and Well Definition 

Photolithography is a technique in which selected portions of a silicon wafer can be 
masked out so that some type of processing step can be applied to the remaining areas. 
Although photolithography is used throughout the manufacturing of an integrated cir­
cuit, here we describe this photographic process in the context of preparing the wafer 
for defining the well regions. 1 

Selective coverage for well definition is performed as follows. First, a glass mask, 
M1, is created, which defines where the well regions will be located. The glass mask is 
created by covering the mask in photographic materials and exposing it to an electron 
beam, or e beam, in the regions corresponding to the well locations. Such exposure 
results in the well regions on the glass mask turning opaque, or dark. As a result, the 
glass mask can be thought of as a negative of one layer of the microcircuit. In a typical 
microcircuit process, ten to twenty different masks might be required. The typical cost 
for these masks is currently around $50,000. Because a high degree of precision is 
required in manufacturing these masks, often a company other than the processing 

I. We\b arc doped regions that will contain one of the two types of transistors realized in a CMOS proces~. 
Nowadays, wells are normally n" typ<:! and contain p-channel transistors. 
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company makes the masks. The exposure of the opaque regions of the mask, by the 
electron beam, is controlled by a computer dependent on the contents of a database. 
The database required for the e beam is derived from the layout database produced by 
the designer, using a computer and a layout CAD software program. 

The first step in masking the surface of the wafer is to thermally grow a thin layer 
of silicon-dioxide (Si02) to protect the surface of the microcircuit. Details of this step 
are discussed later. On top of the Si02• a negative photoresist, PR 1, is evenly applied, 
while spinning the microcircuit to a thickness of around 1 µm. Photoresist is a light­
sensitive polymer (similar to latex). In the next step, the mask, M1, is placed in close 
proximity to the wafer, and ultraviolet light is projected through the mask onto the pho­
toresist. Wherever the light strikes, the polymers cross-link, or polymeri-:..e. This change 
makes these regions insoluble to an organic solvent. This step is shown in Fig. 2.1. The 
regions where the mask was opaque (i.e., the well regions) are not exposed. The pho­
toresist is removed in these areas using an organic solvent. Next, the remaining photo­
resist is baked to harden it. After the photoresist in the well regions is removed, the 
uncovered Si02 may also be removed using an acid etch. (However, in some processes 
where this layer is very thin, it may not be removed.) [n the next step, the dopants 
needed to form the well are introduced into the silicon using either diffusion or ion 
implantation (directly through the thin oxide, in cases where it has not been removed). 

The procedure just described involves a negative photoresist, where the exposed 
photoresist remains after the masking. There are aJso positive photoresists, in which 
the exposed photoresist is dissolved by the organic solvents. In this case. the photore­
sist remains where the mask was opaque. By using both positive and negative resists, 

Ultraviolet light 

p- substrate 
Hardened photoresist, PR1 

Fig. 2.1 Selectively hardening a region of photoresist using a glass mask. 
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a single mask can sometimes be used for two steps-first, to protect one region and 
implant Lhe complementary region and second, to protect the complementary region 
and implant the original region. 

Diffusion and Ion Implantation 

After the photoresist over the well region has been removed. the next step is to intro­
duce dopants through the opening where the well region will be located. As just men­
tioned. there are two approaches for introducing these dopants--<liffusion and ion 
implantation. 

In both implantation methods. usually the Si02 in the well region will first be 
removed using an acid etch. Next. the remaining hardened photoresist is stripped 
using acetone. This leaves Si02 that was protected by the hardened photoresist to 

mask all of the nonwell (i.e .. substrate) regions. 
ln diffusion implantation, the wafers are placed in a quartz tube inside a heated 

furnace. A gas containing the dopant is introduced into the tube. In the case of form­
ing an n well, the dopant in the gas would probably be phosphorus. Arsenic could also 
be used. but it takes a much longer time to diffuse. The high temperature of the diffu­
sion furnace. typically 900 to 1.100 °C. causes the dopants to diffuse into the silicon 
both vertically and horizontally. The dopant concentration will be greatest at the sur­
face and will decrease in a Gaussian profile further into the silicon. If a p well had 
been desired, then boron would have been used as the dopant. The resulting cross sec­
tion. after diffusing the n well. is shown in Fig. 2._2. 

An alternative technique for introducing dopants into the silicon wafer is ion 
implantation. This technique is now largely replacing diffusion because it allows 
more independent control over the dopant concentration and the thickness of the 
doped region. lo ion in1plantation, dopants ru·e introduced as ions into the wafer, as 
shown in the functional representation of an ion implanter in Fig. 2.3. The ions are 
generated by bombarding a gas with electrons from an arc-discharge or cold-cathode 
source. The ion~ ru·e then focused and sent through a mass separator. This mass sepa-

Gas conta\g phosphorus 

2PH3 + 402 

l_nwell J //// <' 

p- substrate 

/ <:/ /// 

Fig. 2.2 Forming an n well by diffusing phosphorus from o gas into the silicon, through 
the opening in the Si02. 
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Fig. 2.3 An ion-implantation system. 

Ion 
beam 

Target 

rator bends the ion beam and sends it through a narrow slit. Since only ions of a spe­
cific mass pass through the slit, the beam is purified. Next, the beam is again focused 
and accelerated to between 10 keV and I MeV. The ion current might range from 
10 µA to 2 mA. The deflection plates sweep the beam across the wafer (which is 
often rotated at the same time) and the acceleration potential controls how deeply the 
ions are implanted. The beam current and time of implantation determine the amount 
of dosage. Thus, depth and dosage are controlled independently. Two problems that 
occur with ion implantation are lattice damage and a narrow doping profile. The lat­
tice damage is due to nuclear collisions that result in the displacement of substrate 
atoms. The narrow profile results in a heavy,concentration over a narrow distance, as 
is shown in Fig. 2.4. For example, arsenic ions with an acceleration voltage of 
100 keV might penetrate approximately 0.06 µm into the silicon, with the majority of 

Ion dopant 
concentration 

Depth into 
silicon wafer 

Fig, 2,4 Dopant profiles alter ion implantation both before and 
after annealing. 
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ions being at 0.06 µm ± 0.02 µm. Both of these problems are largely solved by 
annealing. 

Annealing is a step in which the wafer is heated to about 1,000 °C, perhaps for 15 
to 30 minutes, and then allowed to cool slowly. This heating stage thermally vibrates 
the atoms, which allows the bonds to reform. Annealing also broadens the concentra­
tion profile, making the doping levels more uniform, as shown in Fig. 2.4. It should be 
noted that annealing is performed only once during processing, after all the implanta­
tion steps have been performed but before any metal layers have been created.2 

For n-type dopants, arsenic is used for shallow implantations, such as the source 
or drain junctions. Phosphorus might be used for the well. Boron is always used to 
form the p regions. 

Although more expensive, ion implantation has been largely replacing diffusion 
for forming n and p regions because of its greater control over doping levels. Another 
important advantage of ion implantation is the much smaller sideways diffusion, 
which allows devices to be more closely spaced and, more importantly for MOS tran­
sistors, minimizes the overlap between the gate-source or gate-drain regions. 

Chemical Vapor Deposition and Defining the Active Regions 

The next few steps use the field-oxide mask, M2, to form the thick field-oxide as well 
as the field implants (used to isolate devices). These steps result in a thin layer of ther­
mal Si02, as well as a layer of silicon nitride (Si3N4), everywhere the field-oxide is 
not desired. 

Often, this step will be done using positive,,hotoresist such that, wherever the 
mask M2 is not opaque, the photoresist will be softened. In other words, the photore­
sist is left intact after the organic dissolution step, under the opaque regions of the 
mask where the field-oxide is not desired. A thin layer of thermal Si02 is first grown 
everywhere to protect the surface of the silicon lattice. 

Next, Si3N4 is deposited everywhere during a gas-phase reaction in which energy 
is supplied by heat (at about 850 °C). This process is called chemical vapor deposi­
tion, or CVD. After this step, the positive photoresist is deposited, exposed through 
the mask, M2, dissolved, and hardened. The hardened photoresist is left on top of the 
Si3N4 to protect it where the field-oxide is not desired. Next, the Si3N4 , wherever it is 
not protected by the photoresist, is removed by etching it away with a hot phosphoric 
acid. The Si02 is then removed with a hydrofluoric acid etch. Finally, the remaining 
photoresist is chemically removed with a process that leaves the remaining Si3N4 
intact. The remaining Si3N4 will act as a mask to protect the active regions when the 
thick field-oxide is being grown in the field-oxide regions. 

Field-Implants and the Field-Oxide 

The next step in our example process is to implant the field-implants under where the 
field-oxide will be grown. For example, boron will be implanted under the field-oxide 

2. If annealing were done after deposition of a metal layer, the metal would melt. 
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everywhere except in the well regions. This implant guarantees that the silicon under 
the field-oxide will never invert (or become n) when a conductor over the field-oxide 
has a large voltage. lf this implant were not performed, leakage currents could occur 
between the junctions of separate n-channel transistors in the substrate region, which 
are intended to be unconnected. 

For the field-oxide in the well regions, where p-channel transistors will eventu­
ally reside, an n-type implant such as arsenic (As) could be used. Often, it is not nec­
essary to include field-implants under the field-oxide of the well regions because the 
heavier doping of the well (compared to that of the substrate) normally guarantees 
that the silicon will never invert under the field-oxide in these regions. 

When implanting the field-implants in the substrate regions. it is necessary to first 
cover the wells with a protective photoresist, PR3, so the n-well regions do not 
receive the p implant. Thi~ can be done using the same mask. M1, that was originally 
used for implanting the n wells. but now a positive photoresist is used. This positive 
photoresist remains where the mask is opaque (i.e., dark), which corresponds to the 
well regions. 

After the exposed photoresist has been dissolved. we now have the cross section 
shown in Fig. 2.5. Notice that at this step. all the active regions, where eventually the 
transistors will reside. are protected from the field implants by the Si3N4, Si02, and 
PR~. Additionally, the complete well regions are also protected by PR3. The field­
implant will be a high-energy implant with a fairly high doping level. 

Growing the Field-Oxide 

The next step is to grow the field-oxide, Si02. There are two different ways that Si02 
can be grown. ln a wet process, water vapor is introduced over the surface at a moder­
ately high temperature. The water vapor diffuses into the si licon and, after some inter­
mediate steps. reacts according to the formula 

Si+ 2H20 ~ Si02 + 2H 2 (2.1) 

Boron ions 

+++ +++ +++ 

111 111 111 

nwell 

Field-implants 

p- substrate 

Fig. 2.5 The cross section when the field-implants are being formed. 
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Jn a dry process, oxygen is introduced over the wafer, normally at a slightly higher 
temperature than that used in the wet process, and reacts according to the formula 

(2.2) 

Since both of these processes occur at high temperatures, around 800 to 1200 °C. the 
oxide that results is sometimes called a thermal oxide. 

Before the field-oxide is grown, PR2 and PR3 are removed, but the silicon­
nitride-silicon-dioxide sandwich is left. The reaction does not occur wherever CVD­
deposited Si3N4 remains. because the Si3N4 is relatively inert to both water and 
oxygen. Wherever the process does occur, the volume increases because oxygen 
atoms have been added. Specifically, Si02 takes up approximately 2.2 times the 
volume of the original silicon. This increase will cause the Si02 to extend approxi­
mately 45 percent into, and 55 percent above, what previously was the surface of 
the silicon. The resulting cross section is shown in Fig. 2.6. Note that in our exam­
ple process, the field-oxide in the substrate region has field-implants under it, 
whereas the field-oxide in the wells does not. 

When growing thermal Si02, the wet process is faster because H20 diffuses 
faster in silicon than 0 2 does. but the dry process results in denser, higher-quality 
Si02 that is less porous. Sometimes. growing the field-oxide starts with a dry process, 
changes to a wet process. and finishes with a dry process. When thin layers of Si02 

are grown, as the next section describes, usually only a dry process is used. 

Gate-Oxide and Threshold-Voltage Adjusts 

In the next step, the Si3N4 is removed using hot phosphoric acid. If a thin layer of 
Si02 is under the Si3N4, protecting the surface, as shown in Fig. 2.6, this Si02 is aJso 
removed, usuaJly with hydrofluoric acid. The high-quality, thin gate-oxide is then 
grown using a dry process. Jt is grown everywhere over the wafer to a thickness of 
about 0.01 to 0.03 µm. 

After the gate-oxide has been grown, donors are implanted so that the final thresh­
old voltages of the transistors are correct. Note that this implantation is performed 
directly through the thin gate-oxide since it now covers the entire surface. It should be 
mentioned here that many processes differ while realizing the threshold-adjust step. 

Field-oxide 

p+ field-implants 
p- substrate 

Fig. 2.6 The cross section after the field-oxide has been grown. 
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Thin gate Si02 

n well 

p- substrate 

Field-oxide 

+ +\+ + 
Gate threshold­
voltage-adjust 

p+ field-implants implant 

Fig. 2.7 Cross section after the thin gate-oxide growth and threshold-adjust implant. 

In a simple process. the threshold voltages of both the p- and n-channel transis­
tors are adjusted at the same time. We saw in the Appendix of Chapter 1 that the n­
channel transistors require a boron implant to change V,n from its native value of 
around -0.1 V to its desired value of 0.7 to 0.8 V. If the n wells are doped a little 
heavier than ideal, the native threshold voltage of the p-channel transistors in the well 
will be around -1.6 V. As a result, the same single boron threshold-adjust implant 
will bring it to around -0.8 to -0.9 V. 

By using a single threshold-voltage-adjust implant for both n-channel and p -
channel transistors. two photoresist masking .£teps are eliminated. If the different 
transistors are individually implanted, then the second of two types of transistors 
has to be protected by, say, a negative photoresist while the first type is being 
implanted. Next, a positive photoresist can be used with the same mask to protect 
the first type of transistor while the second type is being implanted. The mask used 
is normally the same mask used in forming the n wells, in other words, M1. Thus, 
no additional mask is required, but a number of additional processing steps are 
needed. The major problem with using a single threshold-adjust implant is that the 
doping level of the n well is higher than optimum. This higher doping level 
increases the junction capacitances and the body effect of the transistors in the well. 
A double threshold adjust allows optimum well doping. Both approaches are cur­
rently in commercial use, although the double threshold-adjust implant is growing 
in favor as device dimensions decrease. The cross section at this stage is shown in 
Fig. 2.7. 

Polysilicon Gate Formation 

The next step in the process is the chemical deposition of the polysilicon gate mate­
rial. One method to create polysilicon is to heat a wafer with silane gas flowing over it 
so the following reaction occurs 

SiH4 --> Si+ 2H 2 (2.3) 
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Fig. 2.8 Cross section after depositing and patterning the polysilicon gates. 

If this reaction occurs al high temperatures, say. around 1,000 to 1,250 °C, and Lhe 
original surface of the wafer was single crystal, the deposited silicon will also be sin­
gle crystal. This approach is used both when epitaxial layers are grown in bipolar pro­
cesses and in some of the more modern CMOS processes. However, when depositing 
the polysilicon gates, the original surface is Si02 and the wafer is heated only to about 
650 °C. As a result, the silicon that is deposited is noncrystalline, or amorphous. Thus, 
this silicon is often referred to as polysilicon. Very often, after the polysilicon is 
deposited, it will be ion implanted with arsenic to increase its conductivity. A typical 
final resistivity for polysilicon might be JO to 30 Q / 0, and its thickness might be 
around 0.25 µm. 

After the deposition just described, the polysilicon gate material covers the entire 
wafer. This polysilicon is then pallerned using a new mask, M3, and a positive photo­
resist, PR4 . The mask is opaque where hardened polysilicon should remain. Afler the 
nonhardened photoresist is removed, the polysilicon is etched away using a reactive 
plasma etch. This etch removes all of the polysilicon not protected by photoresist but 
removes very little of the underlying Si02. This thin gate-oxide layer is used to pro­
tect the surface during the next step of junction implantation. The cross section at this 
phase is shown in Fig. 2.8. 

Implanting the Junctions, Depositing Si02, and Opening Contact Holes 

The next step involves the ion implantation of the junctions. In our example process, 
the p + junctions are formed first by placing positive photoresist, PR5, everywhere 
except where the p + regions are desired. A new mask, M4, is used in this step. The p + 

regions are then ion implanted, possibly through a thin oxide in some processes. The 
cross section at this stage is shown in Fig. 2.9. 

Notice that the p + junctions of the p-channel transistors are defined on one edge 
by the field-oxide and, more importantly, next to the active gate area by the edge of 
the polysilicon gate. During the implantation of the boron, it was the gate polysilicon 
and the photoresist over it that protected the channel region from the p + implant. 
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Polysilicon Polysilicon 

Substrate connection 
p- substrate 

Fig. 2.9 Cross section after ion-implanting the p+ junctions. 

Thus, the p + junctions are self-aligned to the polysilicon gates, resulting in very little 
overlap (i.e., a small L0 v, as defined in Chapter 1 ). Also. note that the effective chan­
nel areas of the transistors are defined by the intersection of the gate-defining mask, 
M3, and the mask used in defining the active regions, M2 (i.e., the mask used in defin­
ing where Si3N4 remains). Thus, these are the two most important masks in any MOS 
process. The development of this self-aligned process has proven to be an important 
milestone in realizing small high-speed transistors, both in MOS processes and in BJT 
processes. 

Also notice that a p + junction has been implanted in the substrate region. This 
junction, called a substrate tie, is used to connect the substrate to ground in microcir­
cuits. These substrate ties are liberally placed tbroughout the microcircuit to help pre­
vent latch-up, a problem discussed at the end of this chapter. In addition, the 
underside of the wafer would normalJy be connected to ground as well, through a 
package connection. 

Next, the photoresists are all removed using acetone. The p + active regions are 
then protected using the same mask, M4, that was used for the previous step. but now 
a negative photoresist, PR6, is used. The n + junctions are then implanted using 
arsenic. The cross section at the end of this stage is shown in Fig. 2.10. 

After the junctions have been implanted and PR6 has been removed, the complete 
wafer is covered in CVD Si02. This protective glass layer can be deposited at moder-

p-channel 
junctions p- substrate 

Fig. 2.10 Crass section after ion-implanting the n+ junctions. 

n-channel 
junctions 
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ately low temperatures of 500 °C or lower. The deposited Si02 might be 0.25 to 
0.5µm. 

The next step is to open contact holes through the deposited Si02. The contact 
holes are defined using mask M, and positive resist PR7. 

Annealing, Depositing and Patterning Metal, and Overglass Deposition 

After the first layer of CYD Si02 has been deposited, the wafer is annealed. As men­
tioned earlier in this section, annealing entails heating the wafer in an inert gas (such 
as nitrogen) for some period of time (say, 15 to 30 minutes) at temperatures up to 
1,000 °C. The resulting thermal vibrations heal the lattice damage sustained during all 
the ion implantations, broaden the concentration profiles of the implanted dopants, 
and increase the density of the deposited Si02. 

Next, interconnect metal is deposited everywhere. Historically, aluminum (Al) 
has been used for the interconnect. However, recently other metals have been used 
that have less of a tendency to diffuse into the silicon during electrical operation of the 
microcircuit. The metal is deposited using evaporation techniques in a vacuum. The 
heat required for evaporation is normally produced by using electron-beam bombard­
ing, or possibly ion bombarding in a sputtering system. After the metal is deposited on 
the entire wafer, it is patterned using mask M6 and positive photoresist PR8, and then 
it is etched. 

At this time, a low-temperature annealing might take place to give better bonds 
between the metal and the silicon. The temperature of this annealing must be less than 
550 °C so the aluminum doesn't melt. -

Next, an additional layer of CVD Si02 is deposited, additional contact holes are 
formed using mask M7 and photoresist PR9, and then a second layer of metal is depos­
ited and etched using mask M8 and photoresist PR 10. Often the primary use of this top 
layer of metal might be to distribute the power supply voltages. The bottom layer 
would be used more often for local interconnects in gates. In some modern processes, 
this process is repeated a third and possibly a fourth time to give up to four levels of 
metal, which allow for much denser interconnect. 

After the last level of metal is deposited, a final passivation, or overglass, is 
deposited for protection. This layer would be CVD Si02, although often an additional 
layer of Si3N4 might be deposited because it is more impervious to moisture. 

The final microcircuit processing step is to etch openings to the pads used for 
wire bonding. This final step would use mask M9 and photoresist PR 11 . A cross sec­
tion of the final microcircuit for our example process is shown in Fig. 2.11. 

This example process is a fairly representative CMOS process. However, many 
variations, often involving additional masks, are possible. Some of the possible varia­
tions are as follows: 

1. Two wells may exist-one for p-channel transistors and one for n-channel 
transistors. This twin-tuh process allows both wells to be optimally doped. 

2. An additional polysilicon layer may be deposited over the first layer. This 
extra poly layer can be used to realize highly linear poly-to-poly capacitors 
in which a thin thermal oxide is used to separate the two layers. 
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3. An additional polysilicon layer might be formed that has an extremely high 
resistiviLy (say, l GQ/ 0 ). This high resistivity is used to realize resistor 
loads in four-transistor, static random-access memory (SRAM) cells. 

4. Field-implants may exist under the field-oxide in the well regions as well as 
under the field-oxide in the substrate regions. 

5. Often, the n-channel and the p-channel transistors might have separate 
threshold-voltage-adjust implants. 

6. The microcircuit might have three, four. or five layers of metal. 
7. In a multimetal-layer process. it is usually necessary to add several addi­

tional steps so that the surface is made smoother, or planarized, after each 
metal-patterning step. This is normally done by a reactive etching process in 
which the metal is covered with Si02 and the hills are etched faster than 
the valleys. 

8. Different metals might be used for the contacts than for the interconnect, to 
obtain better fill in and less diffusion into the silicon surface. 

9. Thin-film nichrome resistors may exist under the top layer of metal. 
10. The transistors may be realized in an epitaxial layer. fn this case, the sub­

strate would be n-, and a p--epitaxial layer would be grown. Before the epi­
taxial layer is grown, the top of the substrate would be doped p +_ This type 
of wafer is similar to that used in processing bipolar transistors, but of the 
opposite type. and is becoming more common in CMOS processing. The 
advantages of this type of transistor are that it is more immune to a destruc­
tive phenomenon called latch-up (desc£ibed at the end of this chapter), and it 
is also more immune to gamma radiation in space. Finally, it greatly mini­
mizes substrate noise in microcircuits that have both analog and digital cir­
cuits, (i.e., mixed-mode microcircuits). 

11. Additional processing steps may be used to ensure that bipolar transistors 
can be included in the same microcircuit as MOS transistors. This type of 
process is called a BiCMOS process and is becoming particularly popular 
for both analog and digital high-speed microcircuits. 

Polysilicon gate 
CVD Si02 

Well tie Substrate tie 

p-channel transistor p- substrate 

Fig. 2.11 Final cross section of an example CMOS microcircuit. 
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2.2 BIPOLAR PROCESSING 

The processing steps required for realizing bipolar transistors are similar to those used 
for realizing MOS transistors, with some modifications. Thus, rather than presenting 
the complete realization of modern bipolar transistors, we briefly discuss some of the 
modifications needed for realizing them. 

A bipolar process normally starts with a p- substrate. The first masking step 
involves the diffusion (or ion implantation) of n + regions into the substrate wherever 
transistors are desired. These n + regions are used to lower the series collector resis­
tance. Next, an n- single-crystal epitaxial layer is deposited. 

In the next basic step, the field-oxide is formed for isolation. However, before the 
field-oxide is grown and after the openings in the Si3N4-Si0rphotoresist sandwich 
have been made, the surface of the silicon is typically etched to form empty cavities. 
This extra etching step allows the field-oxide to extend further down into the epitaxial 
region. 

After lhe field oxide is grown, the n + -collector contact region is implanted. This 
region extends from the surface down to the n + -buried region under the transistor. 

In a modern process, polysilicon is used to contact the emitter, the base, and pos­
sibly the collector, as Fig. 2.12 shows for a typical npn BJT structure. Normally, the 
base p + polysilicon is deposited first. This polysilicon is heavily doped p + so that 
later, during a high-temperature step, the boron dopant from the polysilicon contact 
diffuses into the silicon underneath the base polysilicon to make the underlying region 
p +. The base polysilicon is removed in the active area of the transistor. Next, using one 
of a variety of possible methods, the base polysili~on is covered with a thin layer of 

p+ poly n+ poly 

Base Emitter Base 
Collector 

n+ poly 

p- substrate 

p+ p 

Fig. 2.12 Cross section of a modern, self-aligned bipolar transistor with oxide isolation. 
The term "poly" refers to polysilicon. 
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Si02, perhaps 0,5 µm in thickness, leaving an opening over the active area of the tran­
sistor. This Si02 spacer, which separates the base polysilicon from the emitter poly­
silicon, as shown in Fig. 2.12, allows the base polysilicon (or contact) to be very close 
to the emitter polysilicon (or contact), thereby minimizing the base resistance. Next, 
the base is ion-implanted to p-type silicon. and then n + polysilicon is deposited for the 
emitter. At this point, the true emitter has not yet been formed-only the emitter n + 

polysilicon has been laid down. However. when the wafer is annealed, then• from the 
emitter polysilicon diffuses into the base p silicon to form the true emitter region. Dur­
ing annealing, the p • dopants from the base polysilicon also diffuse into the extrinsic 
base region. As a result, this procedure results in a self-aligned process since the use of 
the Si02 spacer allows the base polysilicon to determine where the emitter is finally 
located. The importance of this process is that, through the use of self-aligned contacts 
and field-oxide isolation, very small, high-frequency bipolar transistors can be realized 
using methods similar to those used in realizing modem MOS transistors. 

2.3 CMOS LAYOUT AND DESIGN RULES 

It is the designer's responsibility to determine the geometry of the various masks 
required during processing. The process of defining the geometry of these masks is 
known as layout and is done using a computer and a CAD program. Here. we describe 
some typical layout design rules and the reasons for these rules. 

When designing the layout, typically the designer does not need to produce the 
geometry for all of the masks because some of the.masks are automatically produced 

+ + by the layout program. For example. the p and n masks used for the source and 
drain regions are usually generated automatically. Also, the program might allow the 
designer to work in the final desired dimensions. The layout program then automati­
cally sizes the masks to account for any lateral diffusion or etching loss; this sizing 
produces larger- or smaller-dimension masks. For example, a designer might draw a 
polysilicon line so that a transistor would have a 1.2-µm length. The program might 
then produce a mask that had a 1.6-µm line width. This increased mask sizing would 
account for the junction overlap due to lateral diffusion and the polysilicon loss due to 
etching. 

In a modem layout program, the layout of some circuit cells might already be per­
formed and stored in a library. During overall layout, these cells are then parametri­
cally adapted to a required size, and the corresponding geometries for every layer are 
automatically generated. Often. when the cells are being connected, they might be 
automatically placed and routed. or connected. by the program. The designer might 
then interactively modify this automatically generated layout. Thus, as time goes on, 
the layout becomes more automated as more cells become available. However, the 
designer must still take direct control of the layout of critical cells. especially when 
the layout must be small or the resulting circuits must be fast. For example, one would 
rarely allow a computer to automatically generate the layout of a memory cell where 
space and capacitive loading of the connecting buses are critical. Thus, a digital 
microcircuit designer must be knowledgeable about the design rules that govern the 
layout required for the process used. 

' I 
(. 
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The two most important masks are those for the active region and for the gate poly­
silicon. The intersection of these two masks becomes the channel region of MOS tran­
sistors. For example, consider Fig. 2.13(a), which shows a simplified view of a MOS 
transistor, and Fig. 2. l 3(b ), which shows the corresponding layout of the active mask 
and the polysilicon, or poly, mask. In Fig. 2. I 3(b), the poly mask runs vertically. The 
length of the poly that intersects the active-region mask is the transistor width, W, and 
the width of the poly line is the transistor length, L, as Fig. 2.13 shows. 

The design rules for laying out transistors are often expressed in terms of a quan­
tity, A, where').. is 1/2 the gate length. This generalization allows many of the design 
rules to be simply expressed, independent of the true value for the minimum channel 
length (i.e., 2A). Figure 2. l3(b) shows the smallest possible transistor that can be real­
ized when a contact must be made to each junction. Also shown are many of the min­
imum dimensions in terms of A. 

When we express design rules in terms of A, we assume that each mask has a 
worst-case alignment of under 0.75A. Thus, we can guarantee that the relative mis­
alignment between any two masks is under 1.5A. If an overlap between any two 
regions of a microcircuit would cause a destructive short circuit, then a separation 

i 
4,.. 

, l 
~ 

4 

L 

(b) 

(a) 

Contact mask 

Effective gate region 

Fig. 2.13 (a) A simplified view of a partially finished transistor and (b) the correspond­
ing layout of the active, polysilicon, and contact masks. 
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between the corresponding regions in a layout of 2A. guarantees this will never hap­
pen. For example, consider the poly mask and the contact mask in Fig. 2.13{b). If 
these two regions overlap in the microcircuit. then the metal used to contact the 
source junction is also short-circuited to the gate poly, causing the transistor to be 
always turned off, as shown in Fig. 2.14. lf the source happens to be connected to 
ground, tnis error also short-circuits the gate-to-ground. To prevent this type of short, 
\\\~ C">11\?>.c\ ">~11\11'5':> m'u':>\ ~~ 'E..et>\ 'd\ \<t:o.<,,\ 1.1'. 'o.Wo.'j \"i">'ffi \'we '\)l:)\y:,"N,cl:)11 <g,'a\e<:>. 

Another example of a catastrophic failure due to misalignment is a gate that does 
not fully cross the active region (also shown in Fig. 2.14). Since the junctions are 
implanted everywhere in the active region except under the gate, this misalignment 
causes a short circuit between the source and the drain-thus the design rule tnat poly­
silicon must always extend at least 2:>.. past the active region. 

Another design rule is that active regions should surround contacts by at least 
It... If, in reality, an overlap exists between the edge of the active-region mask and 
the contact mask. no disastrous shorts occur. The circuit still works correctly as 
long as sufficient overlap exists between the contact and the active masks so that a 
good connection is made between the aluminum interconnect and the junction. Since 
the maximum relative misalignment is I .St.., having the source (or drain) region sur­
round the contact by L :>.. guarantees an overlap of at least I .St.. (the minimum con­
tact width is 2A.). 

The few design rules just described are sufficient to allow one to estimate the 
minimum dimensions of a junction area and perimeter before a transistor has been 
laid out. For example, assume that in Fig. 2.1 3 a contact is to be made to a junction: 
then the active region must extend past the polysiticon region by at least St... Thus, the 

Source junction 

Source-to-gate 
short circuit 

Gate poly 

Drain junction 

Source-to-drain 
short circuit 

Noncatastrophic 
misalignment 

Fig. 2.14 Mask misalignment that results in catastrophic short circuits and on 
example of a noncotostrophic misalignment. 
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minimum area of a small junction with a contact to it is 

A5 =Ad= 5'A.W (2.4) 

where W is the transistor width. Similarly, in Fig. 2.13, the perimeter of a junction3 

with a contact is given by 

(2.5) 

These estimates may be used when estimating the para<;itic capacitances in the transis­
tor models. They may also be used in SPICE to simulate circuits so the parasitic 
capacitances are determined more accurately. However, note that they are only esti­
mates; the true layout will differ somewhat from these rough estimates. 

Sometimes, when it is important to minimize the capacitance of a junction, a sin­
gle junction can be shared between two transistors. For example, consider the series 
connection of two transistors shown in Fig. 2.1 S(a). The active, poly, and contact 

(a) 

Fig. 2.15 (o) A series connection of two transistors 
and (b) a possible layout. 

3. Note 1hat the perimeter does nol include I.he edge between the junction and the active channel separating 
I.he junction and the gale because lhcre is no lield-implant along this edge, and the sidewall capacitance is 
therefore ~mailer along that edge. 
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masks might be laid out as shown in Fig. 2.l5(b). Notice that a single junction is 
shared between transistors Q 1 and Q2. The area, and especially the perimeter of this 
junction, are much smaller than those given by equations (2.4) and (2.5). Also, in a 
SPICE simulation, the area and perimeter should be divided by 2 when they are spec­
ified in each transistor description, since the junction is shared. Alternatively, all of 
the area and perimeter could be specified in one transistor description, and the area 
and perimeter of the other junction could be specified as zero. 

Since the junction sidewall capacitance is directly proportional to the junction 
perimeter, and since this capacitance can be a major part of the total junction capaci­
tance (because of the heavily doped field-implants), minimizing the perimeter is 
important. It is of interest to note that as transistor dimensions shrink, the ratio of the 
perimeter to the area increases and the sidewall capacitance becomes more important. 

EXAMPLE 2.1 

Assuming A. = 0.5 µm, find the area and perimeters of junctions J 1, J 2 , and J 3 

for the circuit in Fig. 2.15. 

Solution 
Since the width and length are shown as lOA. and 2A, respectively, and A. = 
0.5 µm, the physical sizes are W = 5 µm and L = 1 µm. 

Thus, for junction J 1, using the formulas of (2.4) and (2.5), we have 

AJ, = 5A.W = 5(0.5)5(µm/ = 12.5(µm)
2 

(2.6) 

and 

PJ, = lOA. + W = [10(0.5) + 5] µm = 10 µm (2.7) 

Since this junction is connected to ground, its parasitic capacitance is unimpor­
tant and little has been done to minimize its area. Contrast this case with junc­
tion J2 , where we have 

AJ, 2AW + 12A.
2 

= W + 12(0.5)
2 (2.8) 

8(µm)
2 

The perimeter is unchanged, resulting in P JZ = 10 µm . Thus, we have 
decreased the junction area by using the fact that the transistor is much wider 
than the single contact used. However, sometimes wide transistors require 
additional contacts to minimize the contact impedance. For example, the two 
contacts used for junction J I result in roughly half the contact impedance of 
junction J,. 

Next, consider the shared junction. Here we have a junction area given by 

AJ3 = 2AW 

= 5(µm) 2 (2.9) 

, 
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Since this is a shared junction, in a SPICE simulation we would use 

As Ad= 'AW 

2.5(µm) 2 (2.10) 

2 for each of the two transistors, which is much less than 12.5 (µm) . The reduc-
tion in the perimeter is even more substantial. Here we have 

p J3 = 4'A 

2 µm 
(2. 11) 

for the shared junction: so sharing this perimeter value over the two transistors 
would result in 

pd= 2'A 

Iµm 
(2.12) 

for the appropriate junction of each transistor when simulating it in SPICE. This 
result is much less than the I 0-µm perimeter for node J 1• 

Because minimizing the junction capacitance is so important, one of the first 
steps an experienced designer takes before laying out important high-speed cells is 
first to identify the most critical nodes and then to investigate possible layouts that 
minimize the junction capacitance of these nodes.4 

An additional design rule has been implicitly i.otroduced in the previous example. 
Notice that for junction J2 in Fig. 2.15, part of the active region boundary is only 2'A 
away from the gate. This minimum junction area is the typical design rule for this 
case. 

Several design rules are required in addition to those just mentioned. Some of 
these are described next, with reference to the layout of a digital inverter, shown in 
Fig. 2.16. Notice that the n well surrounds the p-channel active region, and there­
fore the p + junctions of the p-channel transistors, by at least 3'A. Notice also that 
the minimum spacing between the n well and the junctions of n-channel transistors, 
in the substrate, is 5'A. This large spacing is required because of the large lateral dif­
fusion of the n well and the fact that if the n-channel junction became short-cir­
cuited to the n well, which is connected to V DD• the circuit would not work. 
Conversely, a p+-substrate tie can be much closer to a well because it is always con­
nected to ground and is separated from the well by a reverse-biased junction. A typi­
cal dimension here might be 2'A. Since a p-channel junction must be inside the well 
by at least 3'A and an n-channel junction must be outside the well by 5'A, the closest 
an n-channel transistor can be placed to a p-channel transistor is 8'A. 

Notice in Fig. 2.16 that metal is used to connect the junctions of the p-channel 
and n -channel transistors. Normally, the metal must overlap any underlying contacts 

4. Note that it is not possible to share junctions between n-channel and p-channel transistors. This limita­
tion is one of the rem,ons for the larger parasitic capacitances sometimes encountered in CMOS microcir­
cuits as oppo~cd to '.'JMOS microcircuits. where only n-channel transistors are used. 
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by al least A.. A typical minimum width for first-level metal might be 2A, the same as 
the minimum width for polysilicon. However, it can be wider as in Fig. 2.16, where it 
is 4A. wide. 

Notice also in Fig. 2.16 that a single contact opening, known as a butting contact, 
can be used to contact both the p-channel transistor source and an n + -well tie, because 
both will be connected to V DD· Although the outlines of the p + and n + masks are not 
shown in Fig. 2.16, under the contact, one half wiJJ be doped p + (the p-channel junc­
tion) and one half will be doped n + (the wel I tie). Also, for the n-channel transistor, a 

Poly 
interconnect 

(a) 

(b) 

Vout 

p• junction 

p+ substrate tie 

transistor 

n-channel 
transistor 

Fig. 2.16 (a) A CMOS digital inverter and (b) a possible layout with several 
design rules illustrated. 
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butting contact was used to connect the n-channel source to a p + -substrate tie, and 
both will be connected to ground. In a typical set of design rules, a maximum di~tance 
between transistors and well ( or substrate) ties is specified, and a maximum distance 
between substrate ties is also specified. For example, the rules might specify that no 
transistor can be more than 100A from a substrate tie. These rules are necessary to pre­
vent latch-up, a phenomenon described at the end of this chapter. 

As a final example, we describe the layout of a large transistor. Normally, a wide 
transistor is composed of smaller transistors connected in parallel. A simplified layout 
of this approach is shown in Fig. 2.17(a), where four transistors that have a common 
gate are connected in parallel. Figure 2.17(b) shows the circuit corresponding to the 
layout in Fig. 2.17(a), where the transistors have been drawn in the same relative 
positions. Figure 2.17(c) shows the same circuit redrawn differently, where it is clear 
that the circuit consists of four transistors connected in parallel. Notice that the second 
and fourth junction regions are connected by metal to node I, whereas the first, third, 
and fifth junction regions are connected by metal to realize node 2. Because it has a 
larger total junction area and especially a larger perimeter, node 2 will have a much 
greater junction capacitance than node I. Thus, when the equivalent transistor is con­
nected to a circuit, node I should be connected to the more critical node. Also notice 
the large number of contacts used to minimize the contact impedance. Normally, 
some of these are butting contacts if either node I or node 2 is connected to an appro­
priate power supply. The use of many contacts in wide junction regions greatly mini­
mizes voltage drops that would otherwise occur due to the relatively high resistivity 
of silicon junctions compared to the resistivity of the metal that overlays the junctions 
and connects them. 5 

Design rules also specify the minimum pitch between polysilicon interconnects, 
metal I interconnects, and metal 2 interconnects. These might be 2A, 2A, and 3A, 
respectively. Metal 2 requires a larger minimum pitch because it resides further from 
the silicon surface where the topography is less even. The minimum widths of poly, 
metal l, and metal 2 might also be 2A, 2A, and 3A, respectively. 

This concludes our brief introduction to layout and design rules. In a modern pro­
cess, many more design rules are used than those just described. However, the reasons 
for using and the methods of applying these rules is similar to that which has been 
described. Finally, note that when one does modern microcircuit layout, the design 
rules are usually available to the layout program and are automatically checked as lay­
out progresses. 

EXAMPLE 2.2 

Consider the transistor shown in Fig. 2.17, where the total width of the five par­
allel transistors is 80A, its length is 2A, and A = 0.5 µm. Assuming node 2 is 
the source, node I is the drain, and the device is in the active region, find the 

5. The use of metal to overlay a higher-resistivity interconnect, such as polysilicon or heavily-doped sili­
con, is recommended to lower the resistivity of the interconnect. 
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Node 1 
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Metal interconnect 

Node 1 

J4 

J5 

Node 2 

Fig. 2.17 Connecting four transistors in parallel to rea lize a single large 
transistor: (a) the layout, (b) the schematic drown in the same relative posi­
tions as the layout, and (c) the circuit redrawn lo make the parallel transistors 
more obvious. 
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source-bulk and drain-bulk capacitances given the parameters C; = 
2.4 x 10-4 pF/(µm)

2 
and C;-sw = 2.0 x 10-4 pF/µm. Also find the equiva­

lent capacitances if the transistor were realized as a single device with source 
and drain contacts still evenly placed. 

Solution 
Starting with node 1, the drain, we find that the areas of the junctions are equal to 

AJ, = AJ, = 6A. x 20A = 120\
2 

= 30 (µm)
2 

Ignoring the gate side, the perimeters are given by 

PJ, = PJ, = 6A+6A = 12A = 6µm 

As a result, Cdb can be estimated to be 

Cdb = 2(AJ,CJ + P J2C;-swl = 0.017 pF 

For node 2, the source, we have 

AJ, = AJs = 5A x 20A = lOOA.
2 

= 25 (µm)
2 

and 
2 

AJ3 = AJ, = 30 (µm) 

The perimeters are found to be 

PJ, = PJs = 5A.+5A+20A = 30A = 15 µm 
and 

PJ3 = PJ 2 =o µm 

resulting in an estimate for Csb of 

Csb = (AJ, + AJ3 + AJ5 + WL)C; + (PJ, + PJ3 + PJ,lC;.sw = 0.036 pF 

It should be noted that, even without the additional capacitance due to the WL 
gate area, node I has less capacitance than node 2 since it has less area and 
perimeter. 

In the case where the transistor is a single wide device, rather than four tran­
sistors in parallel, we find 

AJ = 5A. x 80A. = 400\
2 

= 100 (µm)
2 

and 

PJ = 5A.+5A+80A = 90A = 45 µm 

resulting in Cdb = 0.033 pF and Csb = 0.043 pF. Note that in this case, Cdb 
is nearly twice what it is when four parallel transistors are used. 

2,4 ANALOG LAYOUT CONSIDERATIONS 

When one designs analog circuits, several important layout issues should be consid­
ered to realize high-quality circuits. These issues can be broadly divided into two cat­
egories-matching and noise issues. 
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Matching Issues 

When integrated components are realized using lithographic techniques. a variety 
of two-dimensional effects can cause the effective sizes of the components to differ 
from the sizes of the glass layout masks. Some examples of these effects are illus­
trated in Fig. 2.18. For example, Fig. 2. I 8(a) shows how an effective well area will 
typically be larger than its mask due to the lateral diffusion that occurs not just dur­
ing ion implantation but also during later high-temperature steps, such as anneal­
ing. Another effect. known as oi•eretching, occurs when layers such as polysilicon 
or metal are being etched. Figure 2. l8(b). for example. shows overetching that 
occurs under the Si02 protective layer at the polysilicon edges and causes the poly­
silicon layer to be smaller than the corresponding mask layout. A third effect is 
shown in Fig. 2. l 8(c), where an n-channel transistor is shown as we look along the 
channel from the drain to the source. The width of the transistor is deftned by the 
width of the active region (as opposed to the width of the polysiJicon line), and 
this width is determined by the field-oxide. The p+ field implant under the field­
oxide causes the effective substrate doping to be greater at the sides of the transis­
tors than elsewhere. This increased doping raises the effective transistor threshold 
voltage near the sides of Lhe transistors and therefore decreases the channel-charge 
density at the edges. The result is that the effective width of the transistor is less 
than the width drawn on the layout mask. The examples shown illustrate typical 
sizing effects, but many other second-order effects influence the realized compo-

Si02 protection 

Well 

Lateral diffusion under Si02 mask 

(a) 

Polysilicon gate Transistor channel 

/ 

p+ field implants Channel width narrowing 

(c) 

Overetching 

(b) 

Fig. 2.18 Various two-dimensional effects causing sizes of realized microcircuit compo­
nents to differ from sizes of layout masks. 
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nenl sizes. These other effects include those caused by boundary conditions of an 
object. the size of the opening in a protective layout through which etching occurs, 
and the unevenness of the surface of the microcircuit [Maloberti, 1994]. For these 
reasons, the absolute sizes of microcircuit components can seldom be accurately 
detennined. These inaccuracies also affect the ratios of sizes, although to a lesser 
degree, when the ratio is not unity (unless the second-or.cler size error effects are 
matched). Matching second-order size error effects is done mainly by making 
larger objecrs our of several unit-si-::.ed components connected together. Also, for 
best accuracy, the boundary conditions around all objects should be matched, even 
when this means adding extra unused components. Next, we give some examples 
of how to apply these principles with regard to realizing transistors, capacitors, and 
resistors. 

Transistor Layouts 

Transistors in analog circuits are typically much wider than transistors in digital cir­
cuits. For this reason, they are commonly laid out using multiple-gate fingers similar 
to the layout shown in Fig. 2.17. When precision matching between transistors is 
required, then not only should the individual transistors be realized by combining a 
single-sized unit transistor, but the fingers for one transistor should be interdigitated 
with the fingers of the second transistor. This approach. known as common-centroid 
layout, helps match errors caused by gradient effects across a microcircuit, such as the 
temperature or the gate-oxide thickness changing across the microcircuit. An example 
of a common-centroid layout of two identical matched transistors whose sources are 
connected is shown in Fig. 2.19 in simplified fonn [O'Leary, 199 1; Maloberti, 1994]. 
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Fig. 2.19 A common-centroid layout for a differential source-coupled pair. 
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Each of the two transistors is composed of five separate transistor fingers connected 
in parallel. The outside fingers have separate second-order size effects, and therefore 
one outside finger is used for M 1 and one is used for M2. Inside the structure, the fin­
gers occur in doubles-two for M2, two for M 1, two for M2, and so on. Thus, the lay­
out is symmetric in both the X and y axes, and any gradients across the microcircuit 
would affect both M 1 and M2 in the same way. This layout technique greatly mini­
mizes nonidealities such as opamp input-offset voltage errors when using a differen­
tial pair in the input stage of an opamp. 

When current mirrors with ratios other than unity are required, again, each of the 
individual transistors should be realized from a single unit-sized transistor. For exam­
ple, if a current ratio of l :2 were desired, then the input transistor might be made from 
four fingers, whereas the output transistor might be realized using eight identical fin­
gers. In addition, for the greatest accuracy, all fingers should be inside fingers only. 
Outside, or dummy, fingers would only be included for better matching accuracy and 
would have no other function. The gates of these dummy fingers are normally con­
nected to the most negative power-supply voltage to ensure they are always turned off 
(or they are connected to the positive power supply in the case of p-channel transistors). 

Capacitor Matching 

Very often, analog circuits require precise ratios of capacitors. Ideally, capacitor size 
is given by 

(2.13) 

The major sources of errors in realizing capacitors are due to overetching (which 
causes the area to be smaller than the area of the layout masks) and an oxide-thickness 
gradient across the surface of the microcircuit. The former effect is usually dominant 
and can be minimized by realizing larger capacitors from a parallel combination of 
smaller, unit-sized capacitors, similar to what is usually done for transistors. For exam­
ple, to realize two capacitors that have a ratio of 4:6, the first capacitor might be real­
ized from four unit-sized capacitors, whereas the second capacitor might be realized 
by six unit-sized capacitors. Errors due to the gradient of the oxide thickness can then 
be minimized by interspersing the unit-sized capacitors in a common-centroid layout 
so the gradient changes affect both capacitors in the same way. Since oxide-thickness 
variations are not usually large in a reasonably small area, this common-centroid lay­
out is not typically used except where very accurate capacitors are required. 

If only unit-sized capacitors are used, then any overetching will leave the capaci­
tor ratio unaffected. Thus, good designers strive to realize circuits in which only unit­
sized capacitors are needed. Unfortunately, this situation is not always possible. When 
it is not, ave retching error can still be minimized by realizing a nonunit-sized capaci­
tor with a specific perimeter-to-area ratio. To determine the correct ratio, first note 
that the error due to overetching is roughly proportional to the perimeter of the capac­
itor. Specifically, if we assume that a capacitor has an absolute overetching given by 

121 of 720



2.4 Analog Layout Considerations 109 

b.e and that its ideal dimensions are given by X 1 and y 1, then its true dimensions are 
given by X1 a = x1 - 2b.e and y I a = y 1 - 2b.e, and the true capacitor size is given by 

Ca = co,X1aY1a = Co,(X1 -2b.e)(yl - 2b.e) (2.14) 

This situation is illustrated in Fig. 2.20. Thus, the error in the true capacitance is given 
by 

(2.15) 

When this error is small, then the second-order error term can be ignored and (2.15) 
can be approximated by 

b.C, = -2b.e(X1 + Y1)Co, 

The relative error in the capacitor is therefore given by 

b.C1 -2b.e(x 1 + Y 1) 
Er:: -- = 

cideal X1Y1 

(2.16) 

(2.17) 

Thus. the relative capacitor error is approximately proportional to the negative of the 
ratio of the ideal perimeter to the ideal area (assuming only small errors exist, which is 
reasonable since, if the errors were not small, then that capacitor sizing would proba­
bly not be used). When we realize two capacitors that have different sizes, usually the 
ratio of one capacitor to the other is important, rather than their absolute sizes. This 
ratio is given by 

C1(1+E,1) 

C,( 1 + E,,-) 
(2.18) 

If the two capacitors have the same relative errors (i.e., En = Er2 ), then their true 
ratio is equal to their ideal ratio even when they are not the same sizes. Using (2.17), 
we see that the relative errors are the same if they both have the same perimeter-to­
area ratio. This leads to the following result: To minimize errors in capacitor ratios 
due to ave retching, their perimeter-to-area ratios should be kept the same, even when 
the capacitors are different sizes. 

Normally, the unit-sized capacitor will be taken square. When a non-unit-sized 
capacitor is required, it is usually set to bettveen one and two times the unit-sized 
capacitor and is rectangular in shape, so that it has the same number of corners as 

t.e True capacitor size 

Ideal capacitor size 
Fig. 2.20 Capacitor errors due to over­
etching. 
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the unit-sized capacitor. Defining K to be a desired non-unit-sized capacitor ratio, we 
have 

(2.19) 

where C 1, A1, and x 1 represent the capacitance, area, and side-length of a unit-sized 
capacitor, respectively. Variables C2, A,, x2, and y2 are similarly defined, except this 
non-unit-sized capacitor is now rectangular. Equating the ratios of the perimeters-to­
areas implies that 

P, 
A, = (2.20) 

where P 1 and P 2 represent the perimeters of the two capacitors. Rearranging (2.20), 
we have 

which implies that K can also be written as the ratio of perimeters, 

K= 
x, + Y, 

2X 1 

This can be rearranged to become 

x, + Y, 

Also rearranging (2.19), we have 

2 Kx 1 x, = -
Y, 

Combining (2.23) and (2.24), we find the quadratic equation 

y;- 2Kx 1y2 + Kx; = 0 

which can be solved to give 

(2.21) 

(2.22) 

(2.23) 

(2.24) 

(2.25) 

(2.26) 

Recall that K is assumed to be greater than one, which ensures that the square root in 
(2.26) is applied to a positive number. The value for X2 is then given by (2.24). 

EXAMPLE 2.3 

Show a layout that might be used to match two capacitors of size 4 and 2.314 
units, where a unit-sized capacitor is 10 µm x IO µm. 
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1111 

4 units 
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10 µm 

10µmll I 
19.6 µm 

6.72 µm_ 

2.314 units 

Fig. 2.21 A capacitor layout with equal perimeter-to-orea 
ratios of 4 units and 2.314 units. 

Solution 
Four units are simply laid out as four unit-sized capacitors in parallel. We break 
the 2.314-unit capacitor up into one unit-sized capacitor in parallel with another 
rectangular capacitor of size 1.314 units. The lengths of the sides for this rectan­
gular capacitor are found from (2.26), resulting in 

y, = 10 µm(l.314 ± JJ.314 2 
- 1.314) = 19.56 µm or 6.717 µm 

Either of these results can be chosen for y2, and the other result becomes x2; in 
other words, the choice of sign affects only the rectangle orientation. Thus, we 
have the capacitor layout as shown in Fig. 2.21 Note that the ratio of the area of 
the rectangular capacitor to its perimeter equals 2.5, which is the same as the 
ratio for the unit-sized capacitor. 

Several other considerations should be followed when realizing accurate capaci­
tor ratios. Usually the bottom plate of capacitors will be the first layer of polysili­
con or, in some technologies, an ion-implanted region. This region is usually 
common to many unit-size capacitors.6 The interconnection of the top plates, which 
are almost always polysilicon, can often be done in first-level metal with contacts to 
the polysilicon plates. In some technologies this is not possible, and the polysilicon 
plates must be interconnected through polysilicon tabs at the sides. These tabs will 
contact to metal in a region where the bottom-plate polysilicon is not present. The 
parasitic capacitances of these tabs should be matched as much as possible. This 
matching often entails adding additional tabs that are not connected anywhere. 
Another common matching technique is to ensure that the boundary conditions 
around the unit-sized capacitors match. This boundary-condition matching is accom­
plished by adding additional top-plate polysilicon around the outside boundaries of 
unit-sized capacitors at the edge of an array. Many of these principles are illustrated 
in the simplified layout of two capacitors shown in Fig. 2.22. Each capacitor in the 

6. It is usually possible to realize the bottom plate over the top of a well region that has many contacts con­
nected to a low-noise power-supply voltage. This well region acts as a shield to help keep substrate noise 
out of the bottom plate of the capacitor. 
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Well contacts 

Polysilicon bottom plate 

Polysilicon top plates 

Polysilicon edge matching 

Fig. 2.22 A simplified layout of o capacitor array. 

figure consists of two unit-sized capacitors. An additional technique sometimes 
used (not shown in Fig. 2.22) is to cover the top plates with the first layer of metal, 
which is then connected to the bottom plate. This sandwich-like structure not only 
gives additional capacitance per area but more importantly. shields the top level of 
polysilicon from electromagnetic interference in the air. The capacitor plate fanned 
from the "sandwiched'. top level of polysilicon is then connected to critical nodes, 
such as the virtual inputs of amplifiers. 

An important consideration when using capacitors in switched-capacitor circuits 
is that the boltom plate usually has more noise coupled into it than the top plate 
because of the large parasitic capacitance between the bottom plate and the silicon 
region. Therefore the top plate should be connected to critical nodes such as the vir­
tual inputs of opamps. whereas the bottom plate can be connected to less critical 
nodes such as opamp outputs. 

For more details concerning the realization of integrated capacitors. the interested 
reader can see [Allstot, 1983; O'Leary. 1991; Maloberti, 1994]. 

Resistor Layout 

Integrated resistors can be realized using a wide variety of different conductors. A 
popular choice is polysilicon. which is a deposited and etched material. Other choices 
include diffused or ion-implanted regions such as junctions, wells, or base regions. 
Another possibility is deposited and etched thin-film resistors such as nichrome (con­
sisting of 80 percent nickel and 20 percent chromium) or tantalum. The temperature 
coefficient of ion-implanted or diffused resistors tends to be positive and large (espe-
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cially for larger resistivities) with values as large as 1,000 to 3,000 ppm/QC. On the 
other hand, the temperature coefficient for thin-film resistors can be as small as 100 
ppm/QC. Polysilicon resistors usually have large positive temperature coefficients 
(say, 1,000 ppm/QC) for low-resistivity polysilicon ranging to moderately large, nega­
tive temperature coefficients for specially doped, high-resistivity polysilicon. The 
positive temperature coefficients are primarily due to mobility degradation that results 
from temperature increases. In implanted and diffused resistors, nonlinear resistance 
varies greatly with voltage because the depletion-region width is dependent on volt­
age in the more heavily doped conductive region. This depletion-region width varia­
tion is substantially smaller in a polysilicon resistor, which is one of the major reasons 
polysilicon resistors are preferred over implanted resistors even though they often 
require more area due to the low resistivity. When thin-film resistors are available in a 
particular technology, they are almost always the preferred type-unfortunately, they 
are seldom available. 

Regardless of the type of resistor used, the equations governing the resistance 
(see the Appendix of Chapter I) are given by 

(2.27) 

where R0 is the resistance per square, p = 1/(qµnNo) is the resistivity,7 I is the 
thickness of the conductor, and N0 is the concentration of carriers, which we assume 
are electrons. The total resistance is then given by 

L 
R = -R0 w 

where L is the length of the resistor and W is the width of the resistor. 

(2.28) 

Often, the typical resistivity encountered in integrated circuits is small. For 
example, the typical resistivity of the polysilicon layer used to form transistor gates 
is about 20 Q/0. Polysilicon is the layer most commonly used to form resistors 
inside microcircuits.8 To obtain medium-sized resistors, one must usually use a ser­
pentine layout similar to that shown in Fig. 2.23. Wlien calculating the resistance of 
such a structure, one must make allowance for the bends and for the end contacts. 
For example, the contact structure chosen contributes 0.14 squares [Reinhard, 1987; 
Grebene, 1984], and each bend contributes 2.11 squares9 [Glasser, 1977]. For the 
structure shown, each finger contributes IO squares each for a total of 70 squares, the 
two contacts contribute 0.28 squares, and the six bends contribute 12.66 squares. 
Thus, the total is 82.94 squares. If the resistivity of the resistor is 20 Q/0, then the 
total resistance is 

R = 82.94 0 x 20 Q/0 = 1.659 kQ 

7. This equation is valid for resistors with electron carriers. For resistors with holes as carriers. 
p = 1/(qµ,N,). 

(2.29) 

8. In a modem process, where the gates are fonned from a sandwich of a refractory metal over polysilicon, 
i.e., a polycide, or silicide, then the resistivity is much smaller, perhaps 1-5 Q/ 0, and the gate layer is not 
useful for realizing moderate-sized resistor~. 
9. If the bends had been semicircular rather than square. they would have contributed 2.% Q each. 
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0.140 

100 

Fig. 2.23 A typical layout for an integrated resistor. 

To this value, an additional impedance due to the contacts, about 20 Q per contact, 
should be added to give a total resistance of about 1.70 kQ. Note that quite large 
structures are required even for relatively small resistances when gate poly is used to 
realize the resistor. 

When very accurate resistor ratios are required and the ratio can be expressed as a 
ratio of integer values, then an architecture similar to that shown in Fig. 2.24 can be 

Dummy 
resistor 

Fig. 2.24 A more accurate, but larger, layout for a resistor. 

Dummy 
resistor 
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used. The resistor consists of several fingers connected at their ends using low-resis­
tivity metal. This approach matches errors caused by the contact impedance between 
R 1 and R2. Also, two dummy fingers have been included to match boundary condi­
tions. This structure might result in about 0.1 percent matching accuracy of identical 
resistors if the finger widths are relatively wide (say, IO µmin a 0.8-µm technology). 

As with integrated capacitors, it is a good idea to place a shield under a resistor 
that is connected to a clean power supply. An appropriate shield might be a well 
region. This shielding helps keep substrate noise from being injected into the conduc­
tive layer. (Noise is due to capacitive coupling between the substrate and a large resis­
tor structure.) Also, the parasitic capacitance between the resistor and the shield 
should be modelled during simulation. Its second-order effects on circuits such as RC 
filters can often be eliminated using optimization, which is available in many SPICE­
like simulators. For low-noise designs, a metal shield over the top of a resistor may 
also be necessary, although it will result in a corresponding increase in capacitance. 

For more information on realizing accurate resistor ratios, the reader is referred to 
[O'Leary, 1991; Maloberti. 1994]. 

Noise Considerations 

Some additional layout issues help minimize noise in analog circuits. Most of these 
issues either attempt to minimize noise from digital circuits coupling into the sub­
strate or analog power supplies, or try to minimize substrate noise that affects analog 
circuits. 

With analog circuits, it is critical that different power-supply connections be used 
for analog circuits than for digital circuits. Ideally, these duplicate power supplies are 
connected only off the chip. Where a single VO pin must be used for the power supply, 
it is still possible to use two different bonding wires extending from a single-package 
VO pin to two separate bonding pads on the integrated circuit. At a very minimum, 
even if a single bonding pad is used for both analog and digital circuitry, two separated 
nets from the bonding pad out should be used for the different types of circuitry, as 
Fig. 2.25 shows. The reason the power-supply interconnects must be separated is that 
the interconnect does not have zero impedance. Every time a digital gate or buffer 
changes state, a glitch is injected on the digital power supply and in the surrounding 
substrate. By having the analog power supplies separate, we prevent this noise from 
affecting the analog circuitry. In the ideal case, separate pins are used for the positive 
power supply and for ground in both the digital and analog circuits. In addition, 
another pair of pins may be used for the supply voltage and ground for digital output 
buffers, which can inject very large current spikes. Finally, sometimes multiple pins 
are used for additional supply and grounds for very large microcircuits. 

Another common precaution is to lay out the digital and analog circuitry in dif­
ferent sections of the microcircuit. The two sections should be separated by guard 
rings and wells connected to the power-supply voltages, as Fig. 2.26 shows. The p + 

connections to ground help keep a low-impedance path between the substrate and 
ground. For modelling purposes, the substrate can be modelled as a number of series­
connected resistors with the p+ ground connections modelled as resistor-dividers 
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l/0 pad 

Analog power-supply net Digital power-supply net 

• I I • -------4---+-----~ 

Fig. 2.25 Using separate nets for analog and digital power supplies. 

having a small impedance to ground. These low-impedance ground connections help 
keep substrate noise from propagating through the resistive substrate. The use of the 
n well between p + connections helps to further increase the resistive impedance of 
the substrate between the analog and digital regions due to graded substrate doping. 
Specifically, the p- substrate often has 10 times higher doping at the surface of the 
nticrocircuit compared to the doping level below the n well, which leads to a tenfold 
increase in substrate resistivity between the twa. p + connections. Finally, the n well 
also operates as a bypass capacitor to help lower the noise on V DD. 

Another important consideration when laying out a circuit that includes both ana­
log and digital circuits is the use of shields connected to either ground or to a separate 
power-supply voltage. Figure 2.27 shows examples of the use of shields. In this exam­
ple, an n well is used to shield the substrate from the digital interconnect line. The 
well is also used to shield an analog interconnect line from any substrate noise. This 

+--Analog 
region n' 

Digital --+ 
region 

n well p• 

....L 
-, ..........._ Depletion region 

acts as bypass 
capacitor 

Fig. 2.26 Separating analog and digital areas with guard rings and wells in 
an attempt to minimize the injection of noise from digital circuits into the sub­
strate under the analog circuit. 
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Ground line used for shielding 
Analog interconnect 

p- substrate 

Fig. 2.27 Using shields helps keep noise from being capacitively coupled into 
and out of the substrate. 

shield is ideally connected to a ground net that is used only for shields. If this type of 
connection is not possible due to layout and space constraints, then the digital ground 
can be used for the shields, although this is not ideal. In the example, the shield 
ground is also connected to metal lines that separate the analog and digital lines from 
each other and from other interconnect lines. Finally, an additional metal shield might 
be placed above the lines as well. This final shield may be somewhat excessive. but it 
can often be easily real ized in many parts of the microcircuit if ground and power­
supply lines are distributed in metal 2. perpendiet1lar to the metal-I interconnect lines. 
It should also be mentioned that then well shield also acts as a bypass capacitor; this 
helps minimize noise in the substrate. which is connected to V DD· Additional layers 
that are often used as shields are the polysilicon layers. 

Perhaps the most effective technique for minimizing the propagation of substrate 
noise in a mixed-mode microcircuit containing both analog and digital circuitry is the 
use of an epitaxial process. An epitaxial process places a conductive layer under all 
trans istors. Any charge fl owing through the substrate is attracted to this layer and does 
not propagate into sensitive analogs regions. Although this process is more expensive, 
it also helps prevent latch-up. For submicron technologies, this epitax ial process is 
becoming more common because of its reduced latch-up sensi tivity. 

Careful thought should go into the overall placement of different blocks in a 
mixed-mode analog-digi tal microcircuit. A possible arrangement for an analog section 
containing switched-capacitor circuits is shown in Fig. 2.28. Notice that an n well 
shield is being used under the capacitors. Notice also that the clock lines are not only 
as far from the opamps as possible, but are also separated by two wells and a V ss 
interconnect that is liberally connected to the substrate, two ground (Gnd) lines, and a 
V DD line. A well is placed under the clock lines as a shield. This shield is connected to 
a separate ground line (perhaps digital ground) from the one used in the opamp region 
because this shield will like ly have quite a bit of clock noise coupled into it. Also note 
that a separate V DD line is used to connect to the n wells under the switches, a region 
where digital interconnects exist, as is used in the critical opamp section. 
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I 

Opamp 1 Opamp 2 Opamp 3 

I • - -
I • 

n well under capacitor region 

Region for n-channel switches 

n well under p-channel switch region 
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V s 

Opamps 

Contact to substrate 

s 

Gnd 

} Capacitors 

Voo 

Switches 

n well shield and 
bypass capacitor 

Gn d 

~1 
-
$1 

$2 
-
$2 

} Clock lines 

Fig. 2.28 A possible floor pion for on analog section containing switched-capacitor circuits. 

One last technique for noise minimization in analog microcircuits should always 
be used: After layout has been finished, any unused space should be filled with addi­
tional contacts to both the substrate and to the wells, which are used as bypass 
capacitors. In a typical microcircuit, this results in a significant increase in bypass cap­
acitance. 

Many other techniques have been developed by various companies, but the pre­
ceding techniques give the reader a good idea of the types of practical considerations 
necessary when realizing high-performance analog microcircuits. 

2.5 LATCH-UP 

One of the effects that CMOS designers must be wary of, especially as dimensions 
shrink, is latch-up. This effect can occur when there are relatively large substrate or 
well currents or, equivalently, large substrate or well voltage drops, that might be 
caused by capacitive coupling. These triggering voltage drops often occur when 
power is first applied to a CMOS microcircuit. 
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A latched-up microcircuit is equivalent to a turned-on silicon-controlled rectifier 
(SCR) between the power supply and ground. This SCR effectively short-circuits the 
power supply on the microcircuit and, unless the supply-current is limited, irreparable 
damage will probably occur (such as a fused open bonding wire or interconnect line). 

To understand latch-up, consider the cross section of the CMOS inverter shown 
in Fig. 2.29 with the parasitic bipolar transistors 0 1 and 0 2. 0 1 is a lateral npn, with 
the base being formed by the p- substrate, whereas 0 2 is a vertical pnp, with the base 
being formed by the n-well region. The parasitic bipolar circuit has been redrawn in 
Fig. 2.30 along with some of the parasitic resistances due to the lightly doped sub­
strate and well regions. The circuit realizes two cross-coupled common-emitter ampli­
fiers in a positive feedback loop. This is the equivalent circuit of an SCR, which is 
sometimes referred to as a crowbar switch. 

Normally, the parasitic bipolar transistors are off, and the voltages are as shown 
in Fig. 2.30(a). However, if latch-up is somehow triggered, they turn on when the 

p- substrate 

Fig. 2.29 Cross section of a CMOS inverter with superimposed schematic of the parasitic 
transistors responsible for the latch-up mechanism. 

V00 = 5 V V00 =0.9V 

Rn Rn 

02 02 

., 
ov 5V 0.7 V 0.2 V 

V;nvo---1 

RP RP 

- - - -
(a) (b) 

Fig. 2.30 (o) The equivalent circuit of the parasitic bipolar transistors, and (b) 
the voltages ofter latch-up hos occurred. 
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loop gain is larger than unity, and as a result, the voltages are approximately those 
shown in Fig. 2.30(b). This turned-on SCR effectively places a short-circuit across the 
power-supply voltage and pulls V DD down to approximately 0.9 V. If the power sup­
ply does not have a current limit, then excessive current will flow and some portion of 
the microcircuit may be destroyed. 

Latch-up can be triggered in several ways. For example, the output of the 
CMOS inverter, V,nv in Fig. 2.29, is capacitively coupled to the bases of the bipolar 
transistors by the junction depletion capacitances of the MOS drains. If the inverter 
is large (as in the case of an output buffer), these capacitances will be large. When 
the output of the inverter changes, glitches will be capacitively coupled to the base 
nodes of the parasitic bipolars and may cause latch-up. Alternatively, substrate cur­
rents caused by hot-carrier electrons can also result in voltage drops large enough to 
trigger latch-up. 

To prevent latch-up, the loop gain of the cross-coupled bipolar inverters must be 
kept less than unity. This low loop gain is norrnally achieved by keeping the current 
gains of the parasitic bipolars as low as is possible, and most importantly, by keep­
ing shunting resistors Rn and RP as small as possible. The current gain of the verti­
cal pnp, 0 2, might be 50 to I 00 and is difficult to minimize. The current gain of the 
lateral n p n can be decreased by larger spacings between n-channel and p-channel 
transistors. However, with typically used spacings, the product ~npn~pnp is still nor­
mally greater than I. The loop gain is kept less than unity primarily by decreasing 
Rn and RP. 

Rn and RP are decreased mainly by having !ow-impedance paths between the 
substrate and well to the power supplies. One way to achieve these low-impedance 
paths is to have many contacts to the substrate. For example, with an n-well tech­
nology, the design rules norrnally specify a maximum distance between any place in 
the n-channel region of the microcircuit and the closest p + junction, which con­
nects the substrate to ground. Similarly, in the p-channel regions. the maximum dis­
tance to the nearest n + junction, which connects the n wells to V DD• is specified. 
Also. after layout is completed, a good designer fills any unused areas with extra 
connections to the substrate and well regions. In addition, any transistors that con­
duct large currents are usually surrounded by guard rings. These guard rings are 
connections to the substrate for n-channel transistors, or to the n well for p-channel 
transistors, that completely surround the high-current transistors. Also, ensuring that 
the back of the die is connected to ground through a eutectic gold bond to the pack­
age header is helpful. 

One of the best ways of preventing latch-up is to use an epitaxial process, espe­
cially one with highly doped buried layers. For example, if a p + substrate has a p­
epitaxial layer in which the transistors are placed, device performance is only margin­
ally affected, but the highly conductive p + substrate has very little impedance to 
ground contacts and to the package header. Alternatively, one might use a p sub­
strate that has n + - and p-buried regions and an intrinsic epitaxial region that is sepa­
rately and optimally ion implanted to forrn then-channel and p-channel regions. This 
self-aligned twin-tub technology is very immune to latch-up due to the highly con­
ductive buried layers. 
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2.7 PROBLEMS 

Unless otherwise stated, assume the following halo throughout the problems section: 

• npn bipolar transistors: 
~ = 100 
VA= 80 V 
'b = 13 ps 
't 5 = 4 ns 
rb = 330 n 

• n-channel MOS transistors: 
2 

µnCox = 92 µA/V 
V,n = 0.8 V 
r = o.s v 112 

rds (Q) = 8,000L (µm)/I 0 (mA) in active region 
C -4 2 

i = 2.4 X 10 pF/(µm) 
-4 

Cj-sw = 2.0 X 10 pF/µm 
Cox= 1.9 X 10-3 

pF/(µm)
2 

Cgs(overlap) = Cgd(overlap) = 2.0 X 10-4 pF/µm 

• p-channel MOS transistors: 
µpCox = 30 µA/V

2 

V,p = -0.9 V 
r = o.8 v112 

r ds (Q) = 12,000L (µm)/I 0 (mA) in active region 
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a 

---4 2 
Ci= 4.5 x lO pF/(µm) 

~ 
CJ-sw = 2.5 X lO pF/µm 
C 0 x = 1.9 X I0-

3 
pF/(µm }2 

Cgs(overlap) = Cgd(overlap) = 2.0 X 10---4 pF/ µm 

2.1 Discuss briefly the relationships between an ion beam's acceleration potential, 
the beam current, and the time of implantation on the resulting doping profile. 

2.2 Place the following processing steps in their correct order: metal deposition 
and patterning, field implantation, junction implantation, well implantation, 
polysilicon deposition and patterning, field-oxide growth. 

2.3 What are the major problems associated with a single threshold-voltage-adjust 
implant? 

2.4 What is the reason for using a field implant and why is it often not needed in 
the well regions? 

2.5 What are the major trade-offs in using a wet process or a dry process when 
growing thermal Si02? 

2.6 Why is polysilicon rather than metal used to realize gates of MOS transistors? 

2.7 Why can't a microcircuit be annealed after metal has been deposited? 

2.8 What minimum distance. in terms of A, would you expect that metal should be 
separated from polysilicon? Why? 

2.9 Find the circuit that the layout shown in Fig. P2.9 realizes. Simplify the circuit, 
if possible, and give the sizes of all transi stors. Assume L = 2A., where A = 1 
µm. 

b 

C 

Polysilicon 

Fig. P2.9 

Metal 

2.10 Find the transistor schematic for the CMOS logic circuit realized by the layout 
shown in Fig. P2. l 0. Give the widths of all transistors. Assume L = 2A, 
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where A = 0.4 µm. In tabular form, give the area and perimeter of each junc­
tion that is not connected to V00 or to ground. 

Polysilicon 

• p diffusion 

Active region Out 

Gnd 

Fig. P2.10 

• 
A B 

• n diffusion 
Metal -----· 

C 

2.11 Repeat Example 2. 1 for the case in which the two transistors do not physically 
share any junction, but each junction is realized in a way similar to junction 
J 2. 

2.12 Repeat Example 2.2 where an overall transistor width of 80A is still desired, 
but assume 8 parallel transistors. each of width lOA, are used. 

2.13 Repeat Example 2.2 where an overall transistor width of 80A- is still desired, 
but assume 2 parallel transistors, each of width 40A, are used. 

2.14 We desire to match two capacitors of relative sizes 9 and 4.523. Sketch a lay­
out for the two capacitors such that their ratio will be maintained during 
overetching. 

2.15 Given that a unit-sized capacitor is 5 µm x 5 µm and that the e-bearn lithog­
raphy rounds all sizes to 0.1 µm, what is the matching accuracy due to round­
ing of the capacitors found in Problem 2.14? What is the new matching 
accuracy if the capacitor sizes are doubled to 18 and 9.046? 

2.16 Given that a polysilicon layer has 7 Q / 0, what is the resistance of a long line 
that is 2 µm wide and 1,000 µm long? (Ignore any contact resistance.) 
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2.17 Repeat Problem 2.16 for the case in which the resistive line is laid out in a ser­
pentine manner, as shown in Fig. 2.23, where enough bends are used such that 
a line drawn along the middle of the serpentine resistor has length 1,000 µm 
(the last finger length might be short). What is the resulting height and width of 
the overall resistor layout? 
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CHAPTER 

Basic Current Mirrors 
and Single-Stage 
Amplifiers 

In this chapter, fundamental building blocks are described. These blocks include a 
variety of current mirrors, single-stage amplifiers with active loads, and differential 
pairs. A good knowledge of these building blocks is critical to understanding many 
subjects in the rest of this book and for analog IC design in general. Although some 
bipolar circuits are described, CMOS mirrors and gain stages are emphasized because 
modem designs mostly make use of CMOS technology. Fortunately, most of the 
small-signal analyses presented can be applied to bipolar circuits with little change. In 
addition, rather than using resistive loads and ac coupling, the gain stages covered are 
shown with current-mirror active loads since such loads are almost always used in 
integrated circuits. Finally, single-transistor amplifiers are described here for com­
pleteness, although it is assumed that most readers are already somewhat familiar with 
them. 

3.1 SIMPLE CMOS CURRENT MIRROR 

A simple CMOS current mirror is shown in Fig. 3.1, in which it is assumed that both 
transistors are in the active region. If the finite output impedances of the transistors 
are ignored, and it is assumed that both transistors are the same size, then a, and a, 
will have the same current since they both have the same gate-source voltage, V gs· 

However, when finite output impedance is considered, whichever transistor has a 
larger drain-source voltage will also have a larger current. In addition, the finite out­
put impedance of the transistors will cause the small-signal output impedance of the 
current mirror, that is, the small-signal impedance looking into the drain of 0 2, to be 
less than infinite. To find the output impedance of the current mirror, r ouJ, the small­
signal circuit is analyzed after placing a signal source, v x• at the output node. Then by 
definition, r0 u, is given by the ratio VJ ix, where ix is the current flowing out of the 
source and into the drain of a,. 

Before finding rout, consider the small-signal model for 0 1 alone, as shown in 
Fig. 3.2(a). Note that 0 1 is diode connected (i.e., its drain and gale are connected) 
and that I,n does not exist in the small-signal model; I,n was replaced with an open 
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v, 

: --~ ---a; -------
(a) 

Fig. 3.1 A simple CMOS current mirror. 

+ v, 

(b) 

Fig. 3.2 la) The small-signal model for 0 1 and lb) the equivalent small-signal 
model for a,. 

circuit because it is an independent current source. Also note tbat a low-frequency 
small-signal model is used for Q 1 (i.e., all tbe capacitors are ignored in tbe model). 
This small-signal model can be further reduced by finding the Thevenin-equivalent 
circuit. The Thevenin-equivalent output voltage is-0 since tbe circuit is stable and con­
tains no input signal. This circuit's Thevenin-equivalent output impedance is found by 
applying a test signal voltage, v,, at v1 and measuring the signal current, i,, as 
shown. Here, the current i, is given by 

(3.1) 

and recalling that the output impedance is given by v/i,, the output impedance equals 
l/gm 1 II rdsI· Because typically rdsI >> I/gm 1, we approximate tbe output imped­
ance to be simply 119mi (which is also defined to be r51 ), which results in tbe equiv­
alent model shown in Fig. 3.2(b). This same result holds in the bipolar case and is also 
equivalent to the small-signal model for a diode-hence the name diode-connected 
transistor. 

Using the model just described leads to the simplified small-signal model for the 
overall current mirror, as shown in Fig. 3.3(a), where v 952 has been connected to 
ground via a resistance of I/ 9m 1• Since no current flows through tbe I/ 9m 1 resistor, 
v952 equals Ono matter what voltage level v, is applied to the current-mirror output. 
This should come as no surprise, since MOS transistors operate unilaterally at low fre­
quencies. Thus, since 9m 2V952 = 0, the circuit is simplified to tbe equivalent small­
signal model shown in Fig. 3.3(b). The small-signal output impedance, rout• is simply 
equal to r dsZ· 
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a, a, i, 

+ v, 
9m1 

, Vgs2 9m2Vgs2 , 

: - - -~ - - - - - - - - - -_- - - - :..:_ - : 
(a) 

(b) 

Fig. 3.3 la) A small-signal model for the current mirror of Fig. 3. l and lb) a 
simplified small-signal model. 

EXAMPLE 3.1 

Consider the current mirror shown in Fig. 3.1, where I;n = 100 µA and each 
transistor has W/L = 100 µm/1.6 µm . ..Given that µnCo, = 92 µA/V

2
, 

Vtn = 0.8 V and rd, = [8,000L (µm)]/[1 0 (mA)], find rout for the current 
mirror and the value of 9mi· Also, estimate the change in lout for a 0.5 V 
change in the output voltage. 

Solution 
Since the W/L ratios of 0 1 and 0 2 are the same, the nominal value of lout 
equals that of I;n = 100 µA. Thus, we have 

8,000 X 1.6 28 kn 
rout = r ds2 = = I •• 

0.1 
(3.2) 

The value of 9mi is given by 

9m1 = J2µnC 0 ,(W/L)I01 = 1.07 mA/V (3.3) 

resulting in r, 1 = 1/gm1 = 935 Q. Note that this r, 1 value is significantly less 
than rdsI• which equals rd,2 in this case. 

The change in output current can be estimated, using rout• as 

'! t.V 0.5 = 3.9 A (3 4) 
u out = rout = 128 kQ µ . 

In other words, if initially lout is measured to be IO I µA ( due to mismatch or a 
larger V DS voltage), then a 0.5 V increase in output voltage would result in a 

140 of 720



128 Chapter 3 • Basic Current Mirrors and Single-Stage Amplifiers 

new output current of about 105 µA. Note that this estimate does not account 
for second-order effects such as the fact that r ds changes as the output current 
changes. 

3.2 COMMON-SOURCE AMPLIFIER 

A common use of simple current mirrors is in a single-stage amplifier with an active 
load, as shown in Fig. 3.4. This common-source topology is the most popular gain 
stage, especially when high-input impedance is desired. 

Here, an n-channel common-source amplifier has a p-channel current mirror used 
as an active load to supply the bias current for the drive transistor. By using an active 
load. a high-impedance output load can be realized without using excessively large 
resistors or a large power-supply voltage. As a result, for a given power-supply volt­
age, a larger voltage gain can be achieved using an active load than would be possible 
if a resistor were used for the load. For example, if a 1-Mf.l load were required with a 
100-µA bias current, a resistive-load approach would require a power-supply voltage 
of I Mf.l x 100 µA = 100 V. An active load makes use of the nonlinear, large-signal 
transistor equations to create simultaneous conditions of large bias currents and large 
small-signal resistances. 

A small-signal equivalent circuit for low-frequency analysis of the common­
source amplifier of Fig. 3.4 is shown in Fig. 3.5. V,, and R,, are the Thevenin 
equivalent of the input source. It is assumed that the bias voltages are such that both 
transistors are in the active region. The output resistance, R2 , is made up of the par­
allel combination of the drain-to-source resistance of 0 1, that is, r,, 1, and the drain-

¥ Active load 

a, 

vout 

~ rout 

a, 

l 

Fig. 3.4 A common-source amplifier with a 
current-mirror active load . 

.-------.------0 Vout 

R, 

Fig. 3.5 A small-signal equivalent circuit for the common-source amplifier. 
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3.3 Source-Follower or Common-Drain Amplifier 129 

to-source resistance of 0 2, that is, rd,z· Notice that the voltage-controlled current 
source modelling the body effect has not been included since the source is at a 
small-signal ground, and, therefore, this source always has O current. 

Using small-signal analysis, we have v9, 1 = v,n and, therefore, 

(3.5) 

Depending on the device sizes, currents, and the technology used, a typical gain for 
this circuit is in the range of -10 to -100. To achieve similar gains with resistive 
loads, much larger power-supply voltages than 5 V must be used. This resistive-load 
approach also greatly increases the power dissipation. However, it should be men­
tioned here that for low-gain, high-frequency stages, it may be desirable to use resis­
tor loads (if they do not require much silicon area) because they often have less 
parasitic capacitances associated with them. They are also typically less noisy than 
active loads. 

EXAMPLE 3.2 

Assume all transistors have W /L = 100 µm/ 1.6 µm in Fig. 3.4, and that 
µnCox = 90 µA/V 2, µpCox = 30 µA/V 2, !bias = 100 µA, rd,-n(O) = 
8,000L (µm)/1 0 (mA), and rd,-p(O) = 12,000L (µm)/1 0 (mA). What is the 
gain of the stage? 

Solution 
We have 

Also, 

and 

1.06 mAN 

8,000 X 1.6 µm = = 128 kO 
0.1 mA 

r "" = 12,000 x 1.6 µm = 192 kO 
0.1 mA 

Using Eq. (3.5), we have 

(3.6) 

(3.7) 

(3.8) 

Av = -9mtUdst II rd, 2 ) = -1.06(128 II 192) = -81.4 (3.9) 

3.3 SOURCE-FOUOWER OR COMMON-DRAIN AMPLIFIER 

Another general use of current mirrors is to supply the bias current of source-follower 
amplifiers, as shown in Fig. 3.6. In this example, 0 1 is the source follower and 0 2 is 
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..______ Active load Fig. 3.6 A source-follower stage with a cur­
rent mirror used to supply the bias current. 

an active load that supplies the bias current of Q 1• These amplifiers are commonly 
used as voltage buffers and are therefore commonly called source followers. They are 
also referred to as common-drain amplifiers, since the input and output nodes are at 
the gate and source nodes, respectively, with the drain node being at small-signal 
ground. Although the de level of the output voltage is not the same as the de level of 
the input voltage, ideally the small-signal voltage gain is close to unity. In reality, it is 
somewhat less than unity. However, although this circuit does not generate voltage 
gain, it does have the ability to generate current gain. 

A small-signal model for low-frequency analysis of this source-follower stage is 
shown in Fig. 3.7. Note that the voltage-controlled current source that models the body 
effect of MOS transistors has been included. This body effect is included because the 
source is not at small-signal ground and the body effect is a major limitation on the 
small-signal gain. Note that in Fig. 3.7, rd,I is in p1\rallel with rd, 2 . Notice also that the 
voltage-controlled current source modelling the body effect produces a current that is 
proportional to the voltage across it. This relationship makes the body effect equiva­
lent to a resistor of size 1/g,1, which is also in parallel with rd,I and rd,z· Thus, the 
small-signal model of Fig. 3. 7 is equivalent to the simplified small-signal model of 
Fig. 3.8, in which R, 1 = rd,I II rd 52 II I/g, 1. Writing the nodal equation at vout• and 
noting that V gs 1 = Vin - V 0ut, we have 

(3.10) 

~-----------+--------oVout = Vs1 

Fig. 3.7 The low-frequency model of the source-follower amplifier. 
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._ ______ .__-OVout 

R,1 

Fig. 3.8 An equivalent small-signal model for 
the source follower. 

where G, 1 = l/R51 .
1 Before proceeding, it is worth mentioning here that the 

authors have found that, to minimize circuit equation errors, a consistent methodology 
should be maintained when writing nodal equations. The methodology employed here 
is as follows: The first term is always the node at which the currents are being 
summed. This node voltage is multiplied by the sum of all admittances connected to 
the node. The next negative terms are the adjacent node voltages, and each is multi­
plied by the connecting admittance. The last terms are any current sources with a mul­
tiplying negative sign used if the current is shown to flow into the node. 

Solving for V 0u1/Vin• we have 

Vaut 9ml 
Av= - = 

Vin 9m1 + Gs! 

9mt 
(3.11) 

9mt + 9st + 9dst + 9dS2 

Normally, g, 1 is on the order of one-tenth to one-fifth that of 9mt· Also, the transistor 
output admittances, 9dst and 9dS2• might be one-tenth that of the body-effect param­
eter, g51 • Therefore, it is seen that the body-efkct parameter is the major source of 
error causing the gain to be less than unity. Notice also that at low frequencies the 
stage is completely unilateral. In other words, there is no signal flow from the output 
to the input. 

EXAMPLE 3.3 

Consider the source follower of Fig. 3.6, where all transistors have W/L = 
100 µm/ 1.6 µm, µnCo, = 90 µA/V 2, µpCo, = 30 µA/V 2, Ibias = 
100 µA, Yn = 0.5 V 112, rd,-n(Q) = 8,000L (µm)/1 0 (mA). What is the gain 
of the stage? 

Solution 
Notice that many parameters are the same as in Example 3.2. Repeating, we have 

Also, 

8,000 · 1.6 µm 
= = 128 kQ 

0.1 mA 

I. Whenever a variable is designated G,, it is assumed that the variable is an admittance and that 
Gi = 1/Ri, where Ri is the resistance of the same component. 

(3.12) 

(3.13) 
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The equation for the body-effect parameter, (Eq. 1.87) from Chapter I, is 

(3.14) 

To calculate this parameter, we need to know the source-bulk voltage, V SB· 

Unfortunately, this voltage is dependent on the application and cannot be known 
accurately beforehand. Here we will assume that 5 V power supplies are being 
used, and that V SB~ 2 V. This is somewhat arbitrary, but it is the best one can 
do without more details. We therefore have 

0.5 · gm 
g,1 = --- = 0.15gm = 0.16 mA/V 

2J2 +0.7 

Using (3.11), we have 

A - I.06 = 0.86 VN 
V - 1.06 + 0.16 + 1/128 + 1/128 

(3.15) 

(3.16) 

Note that, as mentioned above, the fact that this result is so far below unity 
is mainly due to the body-effect parameter, g,. If the body effect were not 
present, the gain would be around 0.99 V N. 

3,4 COMMON-GATE AMPLIFIER 

A common-gate amplifier with an active load is shown in Fig. 3.9. This stage is 
commonly used as a gain stage when a relatively small input impedance is desired. 
For example, it might be designed to have an input impedance of 50 Q to termi­
nate a 50-Q transmission line. Another common application for a common-gate 
amplifier is the first stage of an amplifier designed to amplify current rather than 
voltage. 

If we use straightforward small-signal analysis, when the impedance seen at Vout 

(in this case, the output impedance of the current mirror formed by 0 2 ) is much less 
than rdsI• the input impedance, rout, is found to be l/gm1 at low frequencies. How­
ever, in integrated applications, the impedance seen at V out is often on the same order 
of magnitude or even much greater than r ds 1. In this case, the input impedance at low 
frequencies can be considerably larger than I/gm,· To see this result, consider the 
small-signal model shown in Fig. 3.10. In this model, the voltage-dependent current 
source that models the body effect has been included. Notice that v981 = -V81 and 
therefore the two current sources can be combined into a single current source, as 
shown in Fig. 3.11. This simplification is always possible for a transistor that has a 
grounded gate in a small-signal model, and considerably simplifies taking the body 
effect into account. Specifically, one can simply ignore the body effect for transistors 
with grounded gates, and then, after the analysis is complete, simply replace the con­
stants gmi with gm,+ g,1• However, for this example, we include the body-effect 
parameter throughout the analysis. 
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3 .4 Common-Gate Amplifier 133 

Fig. 3.9 A common-gate amplifier with a cur­
rent-mirror active load. 

r--------+----1-------<l Vout 

Fig. 3.10 The small-signal model of the common-gate amplifier at low 
frequencies. 

...L b ,----t----t---0 Vout 

+ 

R, 

Fig. 3.11 A simplified small-signal model of the common-gate 
amplifier. 

At node Vaut, we have 

Vou1(GL+9ds1)-VS19ds1-(9m1+9S1)V,1 = 0 

Rearranging slightly. we have 

Vout 9ml + 9s1 + 9dsl 
= v,, GL + 9dSI 

(3.17) 

(3.18) 

where it should be noted that this gain is approximately equal to 9m 1/(GL + 9dsI). 
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The current going into the source of Q I is given by 

is = Vs1 (gm, + 9s1 + 9dsl) - Vou19dsl (3.19) 

Combining (3.18) and (3.19) to find the input admittance, Yin = 1/rin• we have 

i5 9m1 + 9s1 + 9dsl 
Yin= - -v., I 9ds1 +--

GL 

Alternatively, we have 

9m1 

I 
9dsl +--
GL 

I I ( RL J rin = - = - !+-
Yin 9m1 r ds1 

(3.20) 

(3.21) 

With the p-channel active load shown in Fig. 3.9, RL = r dsz. Since, in this case, RL 
is approximately the same magnitude as rdsl• the input impedance, rin• is about 
2/gm, for low frequencies-twice as large as the expected value of I/gm,· This 
increased input impedance must be taken into account in applications such as 
transmission-line terminations. In some examples, the current-mirror output imped­
ance realized by 0 2 is much larger than rdsl (i.e., RL >> rd 51), and so the input im­
pedance for this common-gate amplifier is much larger than 119mi· This increased 
input impedance often occurs in integrated circuits and is not commonly known. 

The attenuation from the input to the transistor source can be considerable for a 
common-gate amplifier when R 5 is large. This at~nuation is given by 

Vs1 Gs 
Vin Gs+ Yin 
- = (3.22) 

using the admittance-divider rule.2 Using (3.20) to replace Yin• we have 

v., G. 
= (3.23) 

G 
9m1 + 9s1 + 9dsl 

.+ 
I +9dsl/GL 

Using (3.18) and (3.23), we find that the overall de gain is given by 

Voul [ Gs /9m1 + 9s1 + 9dsl 

Av = Vin = (Gs+ 9m1 + 9s1 + 9dsl) GL + 9dsl 

I +9ds1/GL 
(3.24) 

2. This rule states that the gain is the ratio of the admittance connected between two nodes, divided by the 
sum of that admittance and the admittance between the second node and ground. 
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3.5 SOURCE-DEGENERATED CURRENT MIRRORS 

We saw in Section 3.1 that a current mirror can be realized using only two transistors, 
where the output impedance of this current source was seen to be rds,- To increase 
this output impedance, a source-degenerated current mirror can be used, as shown in 
Fig. 3.12. The small-signal model for this current mirror is shown in Fig. 3.13. Since 
no current flows into the gate, the gate voltage is O V. 

Note that the current ix sourced by the applied voltage source is equal to the cur­
rent through the degeneration resistor, R8 • Therefore, we have 

Also, note that 

Vgs = -Vs 

Setting ix equal to the total current through 9m 2V98 and rds, gives 

Substituting (3.25) and (3.26) into (3.27) gives 

1 

9m1 

Rs 

ov 

, Vx-ixRs 
i, = -l,9m,Rs + --­

rds2 

: i loot 

Trout 

a, 

Rs 

Fig. 3.12 A current mirror with source degeneration. 

i, + R. 

i, 

+-

+v 
' 

Fig. 3.13 The small-signal model for the source-degenerated cur­
rent source. 

(3.25) 

(3.26) 

(3.27) 

(3.28) 
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Rearranging, we find the output impedance to be given by 

(3.29) 

where 9dsl is equal to 1/rdsz, which is much less than 9m, (recall that 9m = l/r8 ). 

Thus, the output impedance has been increased by a factor approximately equal to 

( I + Rs9m2l-
This formula can often be applied to moderately complicated circuits to quickly 

estimate the impedances looking into a node. Such an example follows, in the deriva­
tion of the output impedance of cascode current mirrors. 

It should be noted that the above derivation ignores the body effect of the transis­
tor, even though the source of the transistor is not connected to a small-signal ground. 
As discussed earlier, in Section 3.4, since the gate is at a small-signal ground, the 
body effect can be taken into account by simply replacing 9mz in Eq. (3.29) with 
9m2 + 9sz. This substitution results in 

vx 
rout=-:--= rds2ll+RsC9m2+9s2+9ds2ll = rds2[l+Rs(9m2+9s2ll (3.30) 

1, 

where 9s, is the body-effect constant. This result is only slightly different since 9s is 
roughly one-fifth of 9m· 

EXAMPLE 3.4 

Consider the current mirror shown in Fig. 3.12, where I;n = 100 µA, each tran­
sistor has W /L = (100 µm)/( 1.6 µm), and Rs = 5 kQ. Given that 

2 µnCo, = 92 µA/V , Vtn = 0.8 V, and rds = [8,000L (µm)]/[! 0 (mA)], 
find rout for the current mirror. Assume the body effect can be approximated by 

9s = 0.2gm. 

Solution 
Nominally, lout = I;n, and thus we find the small-signal parameters for this cur­
rent mirror to be 

9m2 = J2µnC 0 ,(W/L)I0 u1 = 1.07 mA/V 

Also, as in Example 3.1, we have 

8,000x 1.6 ,. 
r - = 128 k., ds2 - O.l 

Now, making use of (3.29), the output impedance is given by 

rout= 128k[l +5(1.07+0.2x 1.07+ 1~8)] = 955 kQ 

(3.31) 

(3.32) 

(3.33) 

Note that this result is nearly eight times the output impedance for a simple 
current mirror as found in Example 3.1. Also note that the voltage drop across 
Rs equals 100 µA x 5 kQ = 0.5 V due to the de bias current through it. 
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3.6 HIGH-OUTPUT-IMPEDANCE CURRENT MIRRORS 

In this section two high-output-impedance current mirrors are described-the cascade 
and the Wilson current mirrors. These current mirrors have output impedances that 
are larger than that of a simple current mirror by a factor of gmr ds -the maximum 
gain of a single transistor. 

Cascode Current Mirrors 

A cascade current mirror is shown in Fig. 3.14. First, note that the output impedance 
looking into the drain of 0 2 is simply r d, 2, which is seen using an analysis very simi­
lar to that which was used for the simple current mirror. Thus, the output impedance 
can be immediately derived by considering 0 4 as a current source with a source­
degeneration resistor of value r d, 2. Making use of Eq. (3.29), and noting that 0

4 
is 

now the cascade transistor rather than 0 2, we have 

rout= rd,.[!+ R,(9m•+g,.+gdS4)J (3.34) 

where now R, = r ds,. Therefore, the output impedance is given by 

rout rds4[ I+ rds2C9m4 + 9s4 + 9ds4)J 

- rds4[ I+ rds,(9m4 + g,4)] (3.35) 

- rds4(rdS29m4) 

Thus, the output impedance has been increased by a factor of 9m4 r ds,, which is an 
upper limit on the gain of a single-transistor MOS gain-stage, and might be a value 
between 10 and I 00, depending on the transistor sizes and currents and the technology 
being used. This significant increase in output impedance can be instrumental in real­
izing single-stage amplifiers with large low-frequency gains. 

There is a disadvantage in using a cascode current mirror~it reduces the maxi­
mum output-signal swings possible before transistors enter the triode region. To 
understand this reduction, recall that for an n-channel transistor to be in the active 
region (also called the saturation or pinch-off region) its drain-source voltage must be 
greater than V eff ; V eff was defined in ( 1.54) as 

(3.36) 

Fig. 3.14 A cascode current mirror. 
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which was shown in ( 1.80) to be given by 

v .If = 
210 (3.37) 

If we assume all transistors have the same sizes and currents, then they also all have 
the same V ett and, therefore, the same gate-source voltages, V GSi = V elf+ V,n- Also, 
from Fig. 3.14, we see that 

(3.38) 

and 

(3.39) 

Thus, the drain-source voltage of 0 2 is larger than the minimum needed to place it at 
the edge of the active region. Specifically, the drain-source voltage of 0 2 is V,n 
(about 0.8 V) greater than what is required. Since the smallest output voltage, V 04, 

can be without 0 4 entering the triode region is given by V 052 + V ,tt, the minimum 
allowed voltage for Vout is given by 

Vou1>Vos2+Velf = 2v.,,, +V,n (3.40) 

which, again, is V tn greater than the minimum value of 2 V elf. This Joss of signal 
swing is a serious disadvantage when modern technologies are used that might 
have a maximum allowed power-supply voltage as small as 3 V. In the next chap­
ter, we will see how the cascode current mirror C.(ln be modified to maintain large 
output impedances and yet still allow for near minimum voltages at the output of 
the mirror. 

EXAMPLE 3.5 

Consider the cascode current mirror shown in Fig. 3.14, where l;n = 100 µA 
and each transistor has W/L = (100 µm)/(1.6 µm). Given that µnCox = 

2 92 µA/V , V,n = 0.8 V, and rd, = [8,000L (µm)]/[1 0 (mA)], find rout 
for the current mirror (approximate the body effect by 0.2gm ). Also find the 
minimum output voltage at V out such that the output transistors remain in the 
active region. 

Solution 
Nominally, lout = I;n, and thus we can find the small-signal parameters for this 
current mirror to be 

We also have 

r ds2 = r ds4 = 
8,000 X 1.6 

0.1 
= 128 kQ 

(3.41) 

(3.42) 
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Now, making use of (3.35), the output impedance is given by 

rout = 128k[l28(1.07 + 0.2 x 1.07)] = 21 MQ 

To find the minimum output voltage, we first need to determine V elf : 

(3.43) 

(3.44) 

Thus, the minimum output voltage is determined to be 2 x 0.19 + 0.8 = 1.18 V. 

Wilson Current Mirror 

Another commonly used current mirror is the Wilson current mirror, shown in 
Fig. 3.15.3 It is an example ofusing shunt-series feedback to increase the output imped­
ance [Sedra, 1991]. Basically, 0 2 senses the output current and then mirrors it to I01 , 

which, in turn, is subtracted from the input current, I;n· Note that I01 must precisely 
equal I;n; otherwise the voltage at the gate of 0 3, 0 4 would either increase or decrease, 
and the negative feedback loop forces this equality. This feedback arrangement 
increases the output impedance by an amount equal to I plus the loop gain. Assuming 
all devices are matched, the output impedance without the feedback due to 0 1, 0 3 

would be 2r0 , 4, taking into account that 0 4 has source degeneration equal to I/gm, 
(i.e., the small-signal impedance of diode-connected Oz), which is responsible for the 
2 factor. The loop gain is approximately given by-

AL = 9m1Crost II r;n) 
2 

(3.45) 

where r;n is the input impedance of the biasing current source I;n- The factor of 1/2 
is due to the voltage attenuation from the gate of 0 4 to its source, caused by the 
source degeneration of the diode-connected 0 2 • Assuming r;n is approximately equal 

Ji I'"' 
I 

Fig. 3.15 The Wilson current mirror. 

3. Actually, this is a modified Wilson current mirror, where 0 3 has been added to make the drain-source 
voltages of Q 1 and 0 2 approximately equal, which improves the absolute matching of Iin and lout· 
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to rdsJ, then the loop gain is given by 

(3.46) 

and the output impedance is therefore given by 

rout = (3.47) 

which is roughly one-half the output impedance for that of a cascode current mirror. 
For this reason, the cascode current mirror is often preferred over the Wilson current 
mirror. In terms of output voltage swing, the minimum allowed voltage across the 
current mirror, before 0 4 enters the triode region, is 2V 0111 + V,n, which is similar to 
that of the cascode current mirror. 

Finally, it should be noted that 0 3 is not required in the Wilson current mirror. It 
has been included to give 0 1 and 0 2 the same drain-source bias voltages, and thus 
minimizes inaccuracies caused by the large-signal output impedances of the transis­
tors. Without this transistor, the output current would be slightly smaller than the 
input current because V DS 1 would be larger than V 082. However, the small-signal 
output impedance would remain the same. 

3.7 CASCODE GAIN STAGE 

In modern IC design, a commonly used configuration for a single-stage amplifier is a 
cascade configuration. This configuration consists of a common-source-connected 
transistor feeding into a common-gate-connected transistor. Two examples of cascode 
amplifiers are shown in Fig. 3.16. The configuration in Fig. 3.16(a) has both an n­
channel common-source transistor, 0 1, and an n-channel common-gate cascode tran­
sistor, 0 2 . This configuration is sometimes called a telescopic-cascode amplifier. The 
configuration shown in Fig. 3.16(b) has an n-channel input (or drive) transistor, but a 
p-channel transistor is used for the cascode ( or common-gate) transistor. This config­
uration is usually called a folded-cascode stage. It allows the de level of the output 
signal to be the same as the de level of the input signal. Unfortunately, it is usually 
slower than the telescopic-cascode amplifier because although parasitic capacitances 
at the source of the cascode transistor are similar in both cases, the impedance levels 
of the folded-cascode stage are roughly three times larger due to the smaller transcon­
ductance of p-channel transistors as compared to n-channel transistors. 

There are two major reasons for the popularity of cascode stages. The first is that 
they can have quite large gain for a single stage due to the large impedances at the 
output. To enable this high gain, the current sources connected to the output nodes are 
realized using high-quality cascode current mirrors. Normally this high gain is 
obtained without any degradation in speed, and sometimes with an improvement in 
speed. The second major reason for the use of cascode stages is that they limit the 
voltage across the input drive transistor. This minimizes any short-channel effects, 
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vbias o---i f-o vb,as 

(a) (b) 

Fig. 3.16 la) A telescopic-cascode amplifier and lb) a folded-cascode amplifier. 

which becomes more important with modern technologies having very short channel­
length transistors. 

The analysis of the cascode gain stage is based on the telescopic stage of 
Fig. 3.16(a). The same analysis, with only minor modifications, also applies for the 
folded-cascode stage of Fig. 3.16(b). 

From the section on cascade current mirrors, we know that the impedance look­
ing into the drain of cascode transistor 0 2 is app.;oximately given by 

(3.48) 

The total impedance at the output node is r "' in parallel with RL, where RL is the 
output impedance of the bias current source, Ib;as· Assuming lb;as is a high-quality 
source with an output impedance on the order of 

RL = 9m-prd,-p 

then the total impedance at the output node is 

R = 9mra, 
out -

2 

(3.49) 

(3.50) 

We have dropped the indices here under the assumption that the transistors are somewhat 
matched, and to simplify matters since we are only deriving an approximate solution. 

To find the approximate low-frequency gain, we can use part of the analysis done 
previously for the common-gate stage. Repeating Eq. (3.20) here for convenience, we 
found that the low-frequency impedance looking into the source of the common-gate, 
or cascode, transistor, 0 2 , was given by 

Yin2 = 
9m2 + 9sz + 9ds2 

I 9ds2 
+-­

GL 

= 9m2 

I 9ds2 
+-­

GL 

(3.51) 
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Note that the indices are changed to reflect the fact that 0 2 is the common-gate tran­
sistor rather than 0 1• Substituting (3.49) into (3.51), and again assuming all elements 
are somewhat m~tched so that the indices can be dropped, we have 

9m 
Yin2 = ----

! + 9ds 
2 

9ds/9m 

= 9ds 

The gain from the input to the source of 0 2 is therefore given by 

v,, 
- = 9m1 = _ 9m 

9dsl + Y;n2 - 29ds 

The overall gain can then be found using (3.18) and (3.53). We have 

Av = v,,vout = 9m 9m2 = _ 9m 9m2 = _!(9m )' 
V;n V,2 2gd,GL + 9dS2 29ds9ds2 2 9ds 

(3.52) 

(3.53) 

(3.54) 

The reader should be cautioned that (3.54) is only approximate, primarily due to 
the difficulty of accurately determining the output admittance, 9ds• for the different 
transistors. For example, one problem in estimating 9ds is that it is voltage depen­
dent. Therefore, prudent designers should never construct a design for which success­
ful operation requires knowing the gain precisely, rather than just knowing that it will 
be greater than some minimum value. 

EXAMPLE 3_6 

Assuming 9m is on the order of 0.5 mA/V and r ds is on the order of 100 kr.l, 
what is the gain of the cascade amplifier? 

Solution 
Using (3.54), we have Av = -1,250. This is a fairly representative number. 

3.8 MOS DIFFERENTIAL PAIR AND GAIN STAGE 

Most integrated amplifiers have a differential input. To realize this differential input, 
almost all amplifiers use what is commonly called a differential transistor pair. A differ­
ential pair together with a biasing current source is shown in Fig. 3.17. A low-frequency, 
small-signal model of the differential pair is shown in Fig. 3.18. This small-signal 
equivalent circuit is based on the T model for a MOS transistor that was described in 
Chapter I. To simplify the analysis, we ignore the output impedance of the transistors 
temporarily. Defining the differential input voltage as V;n = v• - v-, we have 

(3.55) 
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I 
I .J,Io, 

v· o---1 

Fig. 3.17 A MOS differential pair. 

is2 + rs2 

• V -V Fig. 3.18 The small-signal model of a MOS 
differential pair. 

Since both 0 1 and 0 2 have the same bias currents, 9mt = 9m,· Therefore, we find 

9mt 
id! = -V;n (3.56) 

2 

Also, since id 2 = i52 = -id 1, we find that 

9mt 
id2 = --Vin 

2 
(3.57) 

Finally, defining a differential output current, iout = id, - idz• then the following rela­
tionship is obtained: 

(3.58) 

Thus, if a differential pair has a current mirror as an active load, a complete 
differential-input, single-ended-output gain stage can be realized, as shown in 
Fig. 3.19. This circuit is the typical first gain stage of a classical two-stage inte­
grated opamp in which the input differential pair is realized using n-channel transis­
tors and the active current-mirror load is realized using p-channel transistors. From 
the small-signal analysis of the differential pair, we have 

. . 9ml 
ldt = Isl = 2Vin 

Also, ignoring transistor output impedances, we have 

id4 = id3 = -isl 

(3.59) 

(3.60) 
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Fig. 3.19 A differential-input, single-ended-output 
MOS gain stage. 

Note that a positive small-signal current is defined as the current going into the drain 
of a transistor. Using (3.60) and the fact that id, = -i51 , we have 

(3.61) 

This result assumes that the output impedance is purely resistive. If there is also a 
capacitive load, CL, then the gain is given by 

(3.62) 

where Zout = rout II I/ ( sCL). Thus, for this differential stage, the very simple model 
shown in Fig. 3.20 is commonly used. This model implicitly assumes that the time 
constant at the output node is much larger than the time constant due to the parasitic 
capacitance at the node at the sources of 0 1 and 0 2 . This assumption is usually justi­
fied, because the impedance at the output node, rout• is much larger than the imped­
ance at the a,, a, source node (i.e., 1/gml II I/gm,). Also, the capacitance at the 
output node, CL, is usually larger than the parasitic capacitance at the Qt, 0 2 source 
node. However, when high-frequency effects are important (which may be the case 
when compensating an opamp to guarantee stability), then this assumption may not be 
justified. 

The evaluation of the output resistance, rout• is determined by using the small-signal 
equivalent circuit and applying a voltage to the output node, as seen in Fig. 3.21. Note 
that the T model was used for both QI and a,, whereas a, was replaced by an equiv­
alent resistance (since it is diode-connected), and the hybrid-it model was used for 0 4• 

+o--

'···"± 
Fig. 3.20 A small-signal model for the differential-input amplifier. 
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+ 
rds3 II rs3 

v, = r ds4 • 9m4Va 

ixs j 
ix1 j j ix4 

i, 
<-

i,,1 1 i,, 
v, 

• is1 • is2 

r dS1 r dS2 

= is1t r,, is2t ,,, = 

Fig. 3.21 The small-signal model for the calculation of the output 
impedance of the differential-input, single-ended-output MOS gain 
stage. 

145 

As usual, rout is defined as the ratio Vxlix, where ix is given by the sum ix = 
ix 1 + i"-2 + ix3 + ix4 . Clearly, 

Vx 

f ds4 

(3.63) 

implying that the resistance seen in the path taken by ix, is equal tor d, 4 . Now, assum­
ing that the effect of rd,J can be ignored (since itis much larger than r51 ), we see that 
the current ix, is given by 

vx 
(3.64) 

where the second approximation is valid. since r d, 2 is typically much greater than 
r, 1 II r,2. This ix, current splits equally between i51 and is, (assuming r, 1 = r,2 and 
once again ignoring r ds 1), resulting in 

However, since 
(assuming 9m4 

is given by 

-vx 

2rds2 
(3.65) 

the current mirror realized by a, and 04 results in ix4 = ix, 
l /r,4 = 1/r,3 and rd 53 is much larger than r, 3 ), the current ix 4 

(3.66) 

In other words, when the current splits equally between r 51 and r 52 • the current mirror 
of Q 3 and 0 4 causes the two currents ix3 and ix4 to cancel each other. Finally, the 
output resistance, rout• is given by 

(3.67) 
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which results in the simple relationship 

rout = rds2 11 rds4 

Therefore, at low frequencies the gain, Av, is given by 

Av = 9m1<rds2 II rds.l 

EXAMPLE 3.7 

(3.68) 

(3.69) 

Consider the gain stage shown in. Fig. 3.19, where !bias = 200 µA and all tran­
sistors have W/L = (100 µm)/(1.6 µm). Given that µnCo, = 92 µA/V

2
, 

V,n = 0.8 V, and rd, = [8,000L (µm)]/[1 0 (mA)], find the output imped­
ance, rout, and the gain from the differential input to the output, Vout. 

Solution 
To find the bias currents, we assume that !bias splits evenly between the two 
sides of the differential circuit, resulting in 

101 = lo2 = 103 = 104 = 100 µA (3.70) 

Therefore, the transconductance of the input transistors is equal to 

9m1 = 9m2 = J2µnC 0 ,(W/L)(lbias12) = 1.07 mA/V 

The output impedance of 0 2 and 0 4 is given by 

rds2 = rds4 = 8 '
000 

x I.& = 128 kQ 
0.1 

Thus, the gain for this stage is 

Vout 
Av= - = 9m1(rd,2 II rds4l = 68.5 V /V 

Vin 

3.9 BIPOLAR CURRENT MIRRORS 

(3.71) 

(3.72) 

(3.73) 

The most popular bipolar current mirrors are very similar to the MOS current mirrors. 
A simple bipolar current mirror is shown in Fig. 3.22. This current mirror has an out-

Ii I,", 

I 

Fig. 3.22 A simple bipolar current mirror. 
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put current almost equal to its input current. In fact, its output current is slightly 
smaller than the input current, due to the finite base currents of Q I and 0 2. Taking 
these two base currents into account results in 

I I 
( I + 2/P) in 

(3.74) 

where p is the transistor current gain. For large p, this relation is approximately given 
by loul = (I -2/P)I;n· 

In one commonly used modification of the simple bipolar current mirror, an 
emitter-follower buffer, 0 3, is added to supply the base currents, as shown in 
Fig. 3.23. This additional transistor minimizes the errors due to finite base currents, 
resulting in lout = I;n( I - 2/P

2
). Such an arrangement is almost always used for cur­

rent mirrors when lateral transistors4 are used because of their low current gains (i.e., 
P's on the order of only 10--20). The output impedance of both of the previous current 
sources is equal to the output impedance of 0 2, which is r 02 . 

In another often-used variation of the simple current mirror, emitter degenera­
tion is added. This approach results in larger output impedances and also mini­
mizes errors caused by mismatches between 0 1 and 0 2. An example of this 
current mirror is shown in Fig. 3.24. In an analysis similar to that given for the 
MOS current mirror with source degeneration, the output impedance is now found 
to be given by 

Ii I,"' 
I 

(3.75) 

Fig. 3.23 A current mirror with fewer inaccuracies caused by 
finite base currents. 

Fig. 3.24 A current mirror with emitter degeneration. 

4. In many bipolar processes, pnp trami,itors are only available as lateral devices. 
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for Re<< r,. Normally, this current mirror is designed so that the bias voltage across 
Re, defined to be V Re, is about 0.25 V. This implies that Re is given by 

VRe VRe 
Re= - = -

le, le, 
(3.76) 

Using the relationship 9m, = 102/VT, where VT = kT /q = 26 mV at 300 °K, 
gives 

( VA•) rout= ro,(l +gm,Rel = ro, I+ VT = llro, (3.77) 

assuming V Re = 0.25 V. It should be mentioned here that the addition of these R 0 

resistors also minimizes the noise output current of this current mirror, generated by 
the base resistance thermal noise, which is often the major source of noise in bipolar 
wideband circuits. 

To achieve still higher output impedances, one can use either a cascode or a Wil­
son current mirror, as shown in Fig. 3.25. The Wilson current mirror is preferred in 
bipolar realizations because the cascode mirror exhibits large errors, due to the fact 
that the base currents of all of the transistors are supplied by l;n only. As a result, the 
output current is smaller than the input current by a factor roughly equal to I -4/~. 
For the Wilson current mirror, the base currents of 0 3 and 0 4 are supplied by l;n, 

whereas the base currents of 0 1 and 0 2 come from lout· It can be shown that the errors 
due to finite base currents are on the order of 2/~2 [Gray, 1993]. It can also be shown 
that both of these current mirrors have an output.impedance on the order of [Gray, 
1993] 

(3.78) 

This concludes the review of commonly used current mirrors. Chapter 6 describes 
some improved MOS current mirrors that have become popular recently. 

(a) (b) 

Ii lout 
I 

Fig. 3.25 High-output impedance (a} coscode and (b} Wilson current mirrors. 
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3.10 BIPOLAR GAIN STAGES 

In this section, we look at two bipolar circuits--emitter followers and differential 
pairs. Although much of the small-signal analyses follow those of their MOS counter­
parts very closely, one difference is the finite base impedance of bipolar transistors. 
Here we shall see some simple rules for dealing with this finite base impedance dur­
ing small-signal analysis. Because of its importance in translinear circuits, we also 
look at the large-signal behavior of the differential pair. 

Emitter Follower 

A bipolar emitter-follower is very similar to a MOS source follower, except that its 
input impedance is not infinite and its gain is normally much closer to unity. The anal­
ysis of its low-frequency response provides a good illustration of the use of the bipo­
lar T model, and also of some relatively general principles for coming up with quick 
estimates of input and output impedances of bipolar circuits. 

A bipolar emitter follower with a resistive load is shown in Fig. 3.26. Its small­
signal model at low frequencies, where the bipolar T model has been used, is shown 
in Fig. 3.27(a). In this small-signal model, the device base resistance rb has been 
ignored, since it can be easily taken into account after the fact by simply making Rs 
slightly larger (i.e., equal to Rs+ r b ). Notice that RE and r O are in parallel. This 
allows a slightly simplified small-signal model to be analyzed, as shown in 
Fig. 3.27(b), where R., = RE II r 0 • The analysis of the gain of this circuit is done in 
two steps. First, the input impedance looking intt> the base of the transistor, Rb , is 
found. allowing us to calculate the gain from the input to the base. Second, the gain 
from the base to the output is found, which allows us to derive the overall gain. The 
current in the emitter, i0 , is given by 

(3.79) 

Therefore, 

(3.80) 

This gives 

Rb= (3.81) 

vout 

Fig. 3.26 A bipolar emitter follower. 
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~ib - -
i, i, 

~;, 
Rs ----+ v, 

Vin ro Vin 

----+ R, ~ ,, 
'• re 

R, i•l 
~Re 

Vout Ve= Vout 

Re R' E = Re II r0 

- (a) (b) -
Fig. 3.27 la) The small-signal model for the bipolar emitter follower and lb) a simplified 
model. 

Alternatively, noting that 

gives 

a 
(f3+l)r. = (f3+1)-

9m 
= (f3+l)f3/(f3+1) 

9m 

R0 = r,+ ([3+ I) R,, 

(3.82) 

(3.83) 

Equations (3.81) and (3.83) illustrate a principle that is generally applicable for bipo­
lar circuits: At low frequencies, resistances in series with the emitter appear f3 + I 
times larger when seen looking into the base or, equivalently, when they are reflected 
into the base. Continuing, using the resistor-divider formula, we now have 

v0 R0 ([3 + l)(r0 + R.,) 
= (3.84) 

The gain from the base to the emitter, which is the output, is easily found from 
Fig. 3.26(b), again using the resistor-divider formula, to be given by 

Vout RE RE 
= = -,----

Vo R.,+r0 R.,+llgm 
(3.85) 

Using (3.84) and (3.85), the overall gain is now given by 

Vout VoVout ( ([3+ l)(r0 + R.,) )( Re ) 
V;n = V;n v0 = ([3 + l)(r0 + Re)+ R8 Re+ I/gm 

(3.86) 

With a little practice, transfer functions such as that given by (3.86) can be written by 
simply inspecting the actual circuit, without actually analyzing the small-signal model. 

It is also interesting to find the output impedance of the emitter follower at low 
frequencies excluding Re, which is equal to the impedance seen looking into the 
emitter. The small-signal model for this analysis is shown in Fig. 3.28, where the 
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'• 
~R. 

'---0 vx=ve .___ Fig. 3.28 The small-signal model for finding the output 
impedance of an emitter follower . 

i, 

input source has been set to O and the impedance R0 = v,li, is to be found. First 
note that 

= 
~+l ~ + 1 

since ix = -ie. Therefore, we have 

Vx=Vb+ixre 

= -ibRs + i,r. 

. Rs . 
=Ix--+ lxre 

~+l 

This gives the impedance seen looking into the ewitter as 

v, Rs Rs r, 
R =-=--+r.=--+--

• i, ~ + I ~ + 1 ~ + 1 

(3.87) 

(3.88) 

(3.89) 

This is an example of a general principle for bipolar circuits: Resistances in series 
with the base are divided by ~ + 1 when they are seen looking into the emitter, or, 
equivalently, are reflected to the emitter. The total output impedance of the emitter­
follower is now simply R0 in parallel with Re. 

Bipolar Differential Pair-Large-Signal 

A bipolar differential pair is shown in Fig. 3.29. This circuit's large-signal behavior 
can be analyzed by first recalling the exponential relationship for a bipolar transistor, 

V' a, 

Fig. 3.29 A bipolar differential pair. 
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I - I (VsE/VT) 
e - se 

which can be used to find the base-emitter voltages 

(le,) Vrln -
Is, 

(le,) Vrln -
Is, 

(3.90) 

(3.91) 

(3.92) 

Now, writing an equation for the sum of voltages around the loop of input and base­
emitter voltages, we have 

v· - VBEI + VsE,-v- = 0 (3.93) 

Combining (3.91), (3.92), and (3.93), and assuming Is, = Is,, we can write 

le 1 (V+ -V- )/VT vid/VT 
- = e = e 
Ic2 

(3.94) 

where V;d is defined as the difference between v• and v-. In addition, we can write 

(3.95) 

where a is defined to be ~/ ( ~ + l ) and is due to some currents flowing through the 
base terminals. Finally, combining (3.94) and (3.95), we have 

a!EE le,=---­
-v,d;vT 

l+e 

a!EE le, = 
l 

v,d!Vr 
+e 

(3.96) 

(3.97) 

A plot of these two currents with respect to V;d is shown in Fig. 3.30, where we note 
that the currents are split equally at V;d = 0 and saturate near IEE or O for differen­
tial input voltages approaching 4 Vr (around 100 mV). Note that the relations shown 

Fig. 3.30 Collector currents for o bipolar differential pair. 
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in (3.96) and (3.97) are hyperbolic tangent functions, and thus this current-voltage 
relationship for a bipolar differential is commonly referred to as the tanh relationship. 

Bipolar Differential Pair-Small-Signal 

The small-signal model for the bipolar differential pair of Fig. 3.29 1s shown m 
Fig. 3.31. Once again, defining v,d = v+ - v-, we have 

avid avid 
ic1 = aie1 = = --------

rel+ r., (a/9m1l + (a/gm,l 
(3.98) 

In the case where both transistors have the same bias currents through them (i.e., the 
nominal differential voltage is 0, resulting in 9mi = 9mz ), we find the same result as 
for a MOS differential pair, 

(3.99) 

A similar result holds for ic 2 • 

Finally, the input impedance of this differential pair can be found using the impedance­
scaling rule just discussed. Specifically, consider the small-signal model shown in 
Fig. 3.32, where v· is grounded and we wish to find the impedance r,d looking into the 
base of 0 1. The impedance, r2 , seen looking into the emitter of 0 2 is simply r82 , 

--+ 
+ 

V -V 

re,+re2 

r, 

Fig, 3,31 The small-signal model of a 
bipolar differential pair. 

Fig. 3.32 Finding the input impedance of a bipolar 
differential pair. 
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since the base is grounded. Thus, the total emitter resistance to the ground of 0 1 is 
re 1 +rel• and using the impedance reflection rule, the impedance, rid• seen looking 
into the base of Q I is equal to ~ + 1 times the emitter resistance, or, equivalently, 

r1d = (~ + 1 )(r. 1 + r. 2 ) (3.100) 

3. 11 FREQUENCY RESPONSE 

In this section, we look at the frequency response of many of the previous circuits. 
Although the precise calculation of frequency responses is most often left to computer 
simulations, there is much insight that can be obtained by finding the dominant fre­
quency effects in integrated circuits. 

Common-Source Amplifier 

A small-signal equivalent circuit for high-frequency analysis of the common-source 
amplifier of Fig. 3.4 is shown in Fig. 3.33. Here, C 951 is the gate-to-source capaci­
tance of 0 1, whereas C

9
d 1 is the gate-to-drain capacitance of 0 1. Note that we have 

assumed that the output capacitance of the input source can be ignored. The capaci­
tance C 2 is made up of the parallel connection of the drain-to-bulk capacitances of 
0 1 and 0 2 together with the load capacitance, CL. Usually, CL dominates. 

To analyze the circuit at high frequencies, one can use nodal analysis. At node v 1, 

we add all of the currents leaving the node and s<!t the sum equal to zero, to obtain 

VI (G;n + sCgs I + sCgdl) - V;nGln - Vou1SCgd I = 0 

where G 1n = 1/R;n· Also, at the output node, we have 

0 

where V1 = v 991 . 

Solving (3.101) and (3.102) (somewhat tediously), we have 

Vout 

Vin 

v, 

= 
( 

C9d1) -gm, R2 I - s--
9m1 

I+ sa + s2b 

R, 

(3.101) 

(3.102) 

(3.103) 

Vout 

Fig. 3.33 A small-signal model for high-frequency analysis of the common-source amplifier. 
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where 

(3.104) 

and 

(3.105) 

At freqnencies where the gain has started to decrease but is still much greater than 
unity, the first-order term in the numerator, -s(Cgd 1 /gm 1 ), and the second-order 
term in the denominator, S2b, can be ignored. For this case, we have 

V -g R 
A(s) ; out = ml 2 ( 3.106) 

V;n I + s{ R;n[C9,1 + Cgd1 ( I + 9m1 R,)l + R,(Cgd1 + C,)} 

The low-frequency gain is as expected, -9mi R2 . Also, settings ; jw_3 ,sand solv­
ing for 

gives 

I 

J2 

00_3 dB:=:;~~~~~~~~~~~~~~~~~~ 
R;n[Cgsl + Cgdl( I+ 9m1 R,)l + R,(Cgdl + C,) 

(3.107) 

(3.108) 

As an aside, it is of interest to note that the result for the -3-dB frequency is the 
same result that one would obtain if the zero-value time-constant analysis technique 
were used [Gray, 1993]. In this technique, one calculates a time constant for each 
capacitor by assuming all other capacitors are zero, replacing the capacitor in ques­
tion with a voltage source, and then calculating the resistance seen by that capacitor 
by taking the ratio of the voltage source to the current flowing from the voltage 
source. The time constant seen by the capacitor is then simply the capacitor multi­
plied by the resistance seen by that capacitor. The -3-dB frequency for the complete 
circuit is then I divided by the sum of the individual capacitor time constants. For the 
common-source amplifier, the resistance seen by C 951 is the input source impedance 
R;n, the resistance seen by CgdI is R;n( I+ 9mi R2 ) + R2, and the resistance seen by 
C2 is R2 . 

Often, unless R;n << R2 , the first term in the denominator of (3.108) dominates, 
and we have 

(J)-3dB = ~~~~~~~~~ 
R;n[C9si + C9d1(1 +A)] 

(3.109) 

where A ; 9mi R2 is the magnitude of the low-frequency gain. The term 
CgdI (I+ A) is often called the Miller capacitance because it is the equivalent capaci­
tance obtained when one uses the Miller approximation [Sedra, 1991]. Because the 
size of C 9d 1 is effectively multiplied by one plus the gain of the amplifier, CgdI must 
be small. 

At higher frequencies, when the gain is not much greater than unity, the second 
pole and the zero should be considered. The frequency for the second pole can be 
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found by assuming that the poles are real and widely separated and that the denomina­
tor can therefore be expressed as 

D(s) = (1+~)(1+~) = 
COP I (i)p2 

S 5 2 !+-+--­
(Op I O)p I ffip2 

(3.110) 

The coefficients of (3.1 IO) can then be equated to the coefficients of the denominator 
of (3.103). This analysis is almost identical to that used later in Section 5.2 for analyz­
ing the two-stage amplifier for its frequency response, so it will not be given here. 
However, the equation for the approximate frequency of the second pole of the 
denominator is simply given as 

9m1C9d1 
(i)p2 = -------"----­

Cgslcgdl + Cg,1C2 + Cgd1C, 
(3.111) 

It should be mentioned that the Miller approximation results in a very different and 
incorrect approximation for the frequency of the second pole. 

EXAMPLE 3.8 

Use the same parameters as in Example 3.2 along with the following: R;n = 
180 kQ, CL = 0.3 pF, C 9, 1 = 0.2 pF, C 9d1 = 0.015 pF, Cdbl = 20 fF, and 
Cdb2 = 36 fF. Estimate the -3-dB frequency of the common-source amplifier 
in Fig. 3.4. 

Solution 
We have 

R, = rd,1 II rd,2 = 77 kQ (3.112) 

and 

c, = cL + cdbl + cdb, = 0.36 pF (3.113) 

The time constant due to R;n, namely, R;n[C9, 1 + C 9di( I+ A)], is now equal 
to 0.26 µs. The time constant due to R2 , namely, R2(C9 d 1 + C 2), is equal to 
0.03 µs. The -3-dB frequency (in hertz) is equal to 

f_, dB = [2\cJrR;n[C9 ,1 + C 9d1(1 + 9m1R,)] + R,(C9d1 + C 2)r1 

(3.114) 

= 550 kHz 

Source-Follower Amplifier 

Before proceeding, it should be stated that the high-frequency analysis of source­
follower amplifiers is somewhat involved. We will show that these types of amplifi­
ers can have complex poles, and thus a designer should be careful that the circuit 
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does not exhibit too much overshoot and ringing. We also show a compensation 
circuit that results in only real axis poles and therefore no overshoot and ringing. 
However, because the material is complex, we suggest that only advanced readers 
cover this subsection in detail. 

The frequency response of the source follower can be found by modelling the 
source as a Norton equivalent circuit and adding a load capacitance, as Fig. 3.34 
shows. The small-signal model used for this circuit, which includes the parasitic 
capacitances, is shown in Fig. 3.35. Capacitor C5 includes both the load ·capacitor, 
CL, and the parasitic capacitor, Csbi· Similar to what was done at low frequencies, 
rdsi, rd 52, and the voltage-controlled current source modelling the body-effect current 
source can be modelled by a single resistor. This model allows us to analyze the sim­
plified small-signal model shown in Fig. 3.36, where again Rs, = r dsl II r dsill ( 1 )/g51 

and the input capacitance is given by C,n = C;n + C9d,· 

Nodal analysis is possible, but it is very complicated for this example. The analy­
sis proceeds in four steps. First, the gain from v9 , to Yout is found. Second, the admit­
tance, Y9, looking into the gate of 0 1, but not taking into account C

9
d 1, is found. 

Third, the gain from i;n to v91 is found. Finally, the overall gain from V;n to Yout is 
found and the results are interpreted. 

At node Yout , we set the sum of the currents that leave the node to zero, so we 
have 

- R1
, le,, 

Fig. 3.34 The configuration used to analyze the frequency 
response of the source follower. 

+ 
Vgs1 

v,, 

Fig. 3.35 An equivalent small-signal model for the source follower. 

(3.115) 
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+ 
Vgs1 

R,, 

Fig. 3.36 A simplified equivalent small-signal model for the source follower. 

Solving for V 0u/v 91 , we have 

Vout sCgsI + 9m1 
- = (3.116) 
Vgl s(Cgsl + c.) + 9ml + G.1 

The next step is to calculate the admittance. Y 9• looking into the gate of Q 1, but not 
taking into account the current entering CgdI· The input current is given by 

i91 = (V91 -V0 u1)SC9s1 (3.117) 

Using (3.116) to eliminate Vout in (3.117), and solving for Y 9 = i91 /v91 , we have 

i91 sC951 (SC5 ...-G. 1) y g = - = __ _.e;:..:..__c__:..:.__ 

Vgl s(Cgsl + c.) + 9ml + G.1 
(3.118) 

We can write an equation relating the input current, i;n, to the gate voltage, v91 , as 

i;n = V91 (SC1n + G;n + Y 9) 

Substituting (3.118) into (3.119) and rearranging gives 

where 

= 
s(C9s1 + C.) + 9m1 + Gs1 

a+ sb + s 2c 

a = G;n(9m1 + G.1) 

b = G;n(Cgsl + c.) + c;n (9ml + Gs1l + Cgs!GSI 

c = C 951 Cs + C1n (C9s1 + C.) 

Using (3.116) and (3.120), we then have 

Vout sCgsl + 9m1 
A(s) = - = -~--

i;n a+ sb + s 2c 

(3.119) 

(3.120) 

(3.121) 

(3.122) 

Thus, we see that the transfer function is second order. Specifically, it has two poles 
(roots of the denominator) that may be either real or complex conjugate. If they are 
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complex conjugate, then the step response of the circuit will exhibit overshoot and pos­
sibly ringing. This potential problem is a disadvantage when using source followers. 

To detennine if the transfer function will exhibit ringing, (3.122) can be written 
in the form 

A(s) = A(O)--N_(_s_) -
S S 2 

l+--+­
rooO roil 

(3.123) 

where ro0 and Q can be found by equating the coefficients of (3.123) to the coeffi­
cients of (3.122). Here, parameter ro0 is called the pole frequency and parameter Q is 
called the Qfactor5 [Sedra, 1991]. It is well known that if Q < Jl/2 = 0.707, then 
the magnitude of the transfer function has its maximum at de and no peaking will 
occur (assuming the zero is at a very high frequency and therefore has negligible 
effect). Furthermore, for Q = Jt /2, the -3-dB frequency is equal to ro0 . When the 
time-domain response is investigated, restrictions on the Q factor can also be found to 
guarantee no peaking for a step input. Specifically, to have no peaking in the step 
response, both poles must be real; this is equivalent to the requirement that Q ~ 0.5. 
In the case where Q > 0.5, the percentage overshoot of the output voltage can be 
shown to be given by 

-1[/ J402 
-1 

% overshoot = 1 OOe (3.124) 

For the source follower, equating the coefficients of (3.123) to the coefficients of 
(3.122) and solving for ro0 and Q results in 

G;n(9m1 + G,1) 
(3.125) 

JG;n(9m1 + G,1HC9,1C, + C,n(C9, 1 + C,) l 
0=-~~~~~~-~-~~~-

G;nC, + C,n (9mi + G, 1)+ C9, 1G, 1 

(3.126) 

If Q is greater than 0.5, the poles will be complex conjugate, and the circuit will 
exhibit overshoot. Although this Q equation is rather complex, note that if C,, C,n, 
or both become large (i.e., if the load, the input capacitor, or both become large), then 
Q becomes small, and no overshoot will occur (although the circuit will be slow). 
And when C,n and G, 1 become s_mall (G,1 becomes small when the transistor's 
source is connected to the substrate, which eliminates the body effect), then the circuit 
will have a large Q (i.e., large ringing) when G;n becomes small and C, = C 951 . In 
summary, source follower ( and emitter follower) circuits can exhibit large amounts of 
overshoot and ringing under certain conditions. Fortunately, the parasitic capaci­
tances and output impedances in practical microcircuits typically result in only mod­
erate overshoot for worst-case conditions. 

5. The Q factor is 1/2 times the inverse of the damping factor. The damping factor is an alternative method 
of indicating the pole locations in second-order transfer functions. 
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Finally, note also that the numerator zero of the transfer function lies on the nega­
tive real axis at a frequency given by 

-9mt 
w, = 

C9s, (3.127) 

and is typically at a much higher frequency than w0 • 

EXAMPLE 3.9 

Use the parameters in Example 3.3 and assume that R;n = 180 kQ, CL = 
IO pF, C 9s, = 0.2 pF, C 9d, = 15 fF, Csbi = 40 fF, and C;n = 30 fF. Find 
w0, Q, and the frequency of the zero for the source follower in Fig. 3.34. 

Solution 
From Example 3.3, we have 9m, = 1.06 mA/V, rdsl = 128 kQ, rdsl = 
128 kQ, and 9s, = 0.16 mA/V. Thus, we have 

C,n = C;n + C901 = 45 fF 

GSI = 9SI + 9dsl + 9ds2 = 0.176 mA/V 

Cs = CL+ Csbl = 10.04 pF 

and so we can find ro0 as 

roo = 
C 9s,Cs + C,n(C 9s, + Cs) 

= 5.24 x 10
7 

rad/s = 2rr x 8.34 MHz 

= 0.8 

This results in an overshoot for a step input given by 

00 
-n1J40'-1 

8
,,, 

% overshoot = I e = ·10 

(3.128) 

(3.129) 

(3.130) 

(3.131) 

(3.132) 

(3.133) 

The zero frequency is found using (3.127) to be 844 MHz, and thus it can 
almost certainly be ignored. 

A bipolar-transistor emitter follower is very similar to a CMOS source follower, 
and therefore its high-frequency analysis is not included here. However, note that the 
problem of complex-conjugate poles can be more severe for bipolar emitter followers. 

For both CMOS source followers and bipolar emitter followers, when complex­
conjugate poles occur, they can be eliminated by adding a compensation network. To 
see this, note that (3.118) can be rewritten as 
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C1 
Cgs1(Cs9m1 - Cg,1 G,1) 

(9m1 + G,1HC9, 1 + C,) 

RI = 
(C9,1 + C,) 2 

Cg,1(C,9m1 -Cg,1G,,) 

C 
_ C9, 1C, 

2 -
Cg,1 + C, 
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(3.134) 

= 
9m1C9,1C, 

(9m1 + G,1l(C9,1 + C,) 

(Cg,1 + C,)' 
-

Cg,1C,9m1 
(3.135) 

and the approximations result from the fact that typically C, > C
9

, 1 and 9mi > G, 1• 

This is the same admittance as the circuit shown in Fig. 3.37. Thus, the input admit­
tance is the same as a capacitor in parallel with a series combination of a negative 
capacitor and a negative resistor. If a third network consisting of a capacitor of size 
C I and a resistor of size R 1, in series, is connected to the gate of the source follower, 
as shown in Fig. 3.38, then the negative elements are cancelled. The resulting input 
admittance is then simply C2, as given in (3.135). In this case, (3.120) becomes 

Vg1 = ----------
G (C

, C9,1 C, ) 
in+S in+-~-­

Cgsl + C, 

(3.136) 

and (3.122) becomes 

where 

I +s--

A(s) 
( 

C9,1) 
= Vout = ( 9m1 ) 9m1 

i;n R;n 9m1 + G,1 (i + ;J(i + :J (3.137) 

1 -e,I 
-R, 

(3.138) 

Fig. 3.37 A circuit that has the same admittance as the input 
impedance looking into the gate of a source follower (and 
ignoring cgd ). 
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Fig. 3.38 Addition of a compensation network jC1 and R1) to 
compensate for the negative components of the admittance looking 
into the gate of the source follower. 

P, = 
9m1 + G,1 

= 
CL 

(3.139) 

The approximation is accurate when C, >> C9, 1. Regardless of the approximation, 
the poles are now guaranteed real, and no overshoot will occur. 

Therefore, when designing source followers (or emitter followers), the recom­
mended procedure is to check to see if the poles are complex by using either (3.126) 
or a SPICE transient analysis to look for overshoot. When the poles are complex, then 
increase either C;n, C 5, or both, or, alternatively, add the compensation network, as 
shown Fig. 3.38. 

EXAMPLE 3. 10 

Using the same parameters as in Example 3.9, find the compensation network 
and the resulting first and second poles of the source foBower in Fig. 3.34. 

Solution 
Using (3.135), we have 

0.170pF (3.140) 

and 

(C + C )2 

R 1 = 9
'

1 
s = 49.3 kQ 

Cg,1C,gm1 
(3.141) 

The capacitor is a reasonable value to be realized on chip_ The resistor can be 
realized by a MOS transistor biased in the triode (i.e., linear) region. Assuming 
the compensation network is used, the poles of the transfer function then 
become 

= 21t x 3.61 MHz (3.142) 
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9m1 + Gs1 

Cgs + CL 
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= 2rr x 19.3 MHz (3.143) 

The speed penalty paid for using the compensation network is quite high, 
because the pole frequency without compensation was around 8 MHz whereas 
here the dominant pole is at 3.6 MHz. 

Finally, it should be mentioned that if the source-follower buffer is intended to be 
used in an opamp (and thus feedback will be placed around the buffer), and if the res­
onant frequency of the source follower is substantially greater than the unity-gain fre­
quency of the amplifier, then the overshoot can be tolerated, and no compensation 
network is necessary. 

Common-Gate Amplifier 

The frequency response of the common-gate stage is usually superior to that of the 
common-source stage due to the low impedance, r, 0 , at the source node, assuming GL 
is not considerably smaller than 9dsI· Analysis of the frequency response of the com­
mon-gate stage is left as an exercise for the reader. 

High-Output Impedance Mirrors 

Both the Wilson and the cascade current mirrors introduce high-frequency poles into 
the signal transfer function. The approximately equivalent time constant of these poles 
is C9s/9m· The proof of this statement can been found by doing a high-frequency, 
small-signal analysis (where the capacitances of the small-signal models are included 
in the analysis). This analysis is left as an exercise for the reader. 

Cascode Gain Stage 

The exact high-frequency analysis of a cascade gain stage (Fig. 3.16) is usually left to 
simulation on a computer; however, an approximate analysis is not too complicated. 
At high frequencies, the time constant due to the output node almost always domi­
nates since the impedance is so large at that node. The total capacitance at the output 
node, C0 u,, is the parallel combination of C9d2 + CdbZ• the load capacitance CL, and 
the output capacitance of the bias current source, Cb,as (normally, CL is the major 
contributor). Assuming that the time constant at the output stage dominates, the -3-dB 
frequency is approximately equal to the inverse of the time constant. In other words, 
we have 

C0_3 dB -
29as 

= 
RoutCL 9mCL 

(3.144) 
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A more accurate (though still not exact) estimate may be found using the zero­
value time-constant analysis method of [Gray, 1993]. The advantage of this estima­
tion technique is that it gives some insight into the relative importance of each 
capacitor in determining the overall -3-dB frequency. The small-signal model being 
analyzed is shown in Fig. 3.39, where 

cs, = cdb, + csb, + Cg,, 

Cd, = Cgd2 + cdb2 +CL+ cbias 
(3.145) 

In the zero-value time-constant analysis, all independent sources are set to zero (i.e., 
here, V;n is set to O V) and each capacitor is considered in tum with all other capacitors 
set to zero. The corresponding time constant is found and labeled tc;. Then the -3-dB 
frequency, ro_3 tlB• is estimated to be l divided by the sum of all the time constants. 

In this circuit, the first time constant found is the one that corresponds to C9, 1, 

and it is labelled tc
9

, 1. The resistance seen by C9, 1 is R;n, and therefore, 

Tcgsl = C 9,1 R;n (3.146) 

The calculation of the time constant corresponding to Cgdl is more involved, so 
formal methods are used in its calculation. CgdI is replaced by a voltage source, V ,. 
Next, the resistance seen by CgdI is found by calculating the ratio of V, to i, (the 
current leaving V, ). The final time constant is then given by this resistance multiplied 
by CgdI· The small-signal model for this analysis is shown in Fig. 3.40(a), where the 
resistance Rd, is the parallel combination of rdsI and the impedance seen looking into 
the source of 0 2 (the cascode transistor) at low frequencies. The circuit of 
Fig. 3.40(a) can be redrawn as the equivalent eircuit shown in Fig. 3.40(b). In this 
transformation, we changed the ground node (which node is called ground is arbitrary 
in an analysis) and the direction of the voltage-controlled current source. Notice that 
the circuit of Fig. 3.40(b) is essentially the same as the circuit of Fig. 3.13, which was 
used for finding the output impedance of a source-degenerated current source. The 
analysis here is essentially the same as that used in Fig. 3.13, but will be included here 
for clarity. We have 

(3.147) 

Also, 
(3.148) 

Fig. 3.39 The small-signal model of the cascade gain stage. 
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(a) 

i, _. 

(b) 

Fig. 3.40 Two equivalent small-signal models for calculating the resis­
tance seen by C

9
d1· 

Substituting (3.147) into (3.148) and solving for v,li, gives 

v, 
rcgd1 = -,- = Rd,[!+ R;n(Gd1 + 9m,ll 

t, 
(3.149) 

The admittance looking into the source of the cascode transistor, 0 2, was found previ­
ously in (3.52). Namely, 

Y,2 = 9ds (3.150) 

The impedance, Rd,, is the parallel combination_of this admittance and rdsI· There­
fore, we have 

(3.151) 

Substituting this result into (3.149), we have 

(3.152) 

and therefore 

(3.153) 

If R;n is large, say, on the order of a transistor output impedance, r ds• then this time 
constant is approximately given by 

9mras 
~Cgdl = Cgdl_2_ (3.154) 

This time constant can be almost as large as the corresponding time constant for a 
common-source amplifier-a fact not well known. 

178 of 720



166 Chapter 3 • Basic Current Mirrors and Single-Stage Amplifiers 

The resistance seen by capacitor C82 is r ds 1 in parallel with the impedance seen 
looking into the source of 0 2, which, from (3.52), is approximately r ds· Thus, we have 

rds 
'Cs2 = Cs2z (3.155) 

The resistance seen by Cd2 is the output impedance of the cascode amplifier, 
which is approximately given by (gmr' ds)/2 from (3.50). Thus, the time constant due 
to Cd2 is given by 

(3.156) 

Note that this time constant has the same form as (3.154), but normally Cd2 will be 
much larger than CgdI (because CL is often large), making 'Cdz dominate. 

The sum of the time constants is then given by 

'ttotal = 'tcgs t + 'tcgd 1 + 'tcs2 + 'tcd2 

9m'a. rds 9mra. = C9• 1R,n + C9d1- 2
- + c.,2 + Cd,-

2
-

(3.157) 

The -3-dB frequency, ro_3 dB• is estimated to be 1/,101• 1. 

EXAMPLE 3. 11 

Assume that for both the input transistor and the cascode transistor, 9m = 
1 mA/V, rds = 100 kQ, R;n = 180 kQ, CL = 5 pF, C98 = 0.2 pF, C9d = 
15 fF, Csb = 40 fF, Cdb = 20 fF, and Cbias = 20 fF. Estimate the -3-dB 
frequency of the cascode amplifier of Fig. 3.16(a). 

Solution 
The time constants associated with each capacitor are readily evaluated using 
(3.157). First, note that 

We have 

c., = Cdb1 + Csb2 + C9s2 = 0.26 pF 

Cd, = Cgd2 + cdb2 +CL+ cbias = 5.055 pF 

'tcgs 1 = Cgs!Rin = 36 ns 

'tCgd I = 
C 9m'as 

gdl 2 
= 75 ns 

rds 
13 ns 'tcs2 = c.,- = 

2 

'Cd2 = 
C 9mra. 

d2_2_ = 25.3 µs 

(3.158) 

(3.159) 
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As expected, the time constant at the output node dominates, and the second 
most important time constant is that due to CgdI• although its effect on the-3-dB 
frequency is negligible. Therefore, the -3-dB frequency is accurately given by 
ro_3 dB = 1/tcdz = 2rrx6.3kHz. 

Before leaving this section, some comments should be made about the high­
frequency operation of cascode-gain stages. As we just saw, typically one pole domi­
nates, and thus we can reasonably model the amplifier gain as 

A 
A(s) = v 

1 + s/ro_3 dB 
(3.160) 

Thus, at frequencies substantially larger than ro_3 dB• which is usually the frequency 
band of operation, the gain is approximately given by 

A 
A(s) = v 

s/ ro_3 dB 
(3.161) 

using (3.54) and (3.144). It should also be noted that the approximations of (3.144) 
and (3.161) are quite good, unless either the source impedance or source capacitance 
is very large. In addition, at frequencies much larger than the -3-dB frequency, the 
admittance at the source of 0 2 can be found by using (3.51 ), where GL is replaced by 
GL + sCL. Such a substitution results in 

Y;n2 = __ 9_m_2 __ 

(3.162) 

At frequencies where ro >> 1/(rdsCL), the terms in s dominate, and Y;02 = 
9m,· The approximate time constant due to the node at the source of 0 2 is then 
simply given by the total capacitance at that node divided by 9mz· The total 
capacitance at the source of Q2 is C 9• 2 in parallel with Cdbl in parallel with 
Cgdl· Because this capacitance is not excessively large and the impedance at the 
node, 1 / 9m, , is small, the time constant at that node can usually be neglected. 
However, in amplifiers with a small source impedance, this node would still be the 
primary factor determining the second pole of a cascode amplifier. It is easy to 
derive an upper bound on the time constant at the source of 0 2 . Almost always, 
Cdbl in parallel with C9d1 is less than C 952 . Therefore, the total capacitance at 
the source of Q2 is equal to KC952, where K is between 1 and 2 (usually closer 
to 1). Using 
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9m2 = µpCoxlL), V eff2 (3.163) 

for the folded-cascode amplifier (for the telescopic-cascode amplifier, substitute µ, 
for µp), and using 

(3.164) 

gives the approximate frequency of the second pole (ignoring the time constants at 
other nondominant nodes): 

l 
(Op2 = - = 

'ts2 

9m2 

Cs, 

3µP V eft2 3µp V eff2 = _.:__ > --'--
2Kq 4q 

(3.165) 

This equation is an upper limit on the unity-gain frequency of any amplifier that uses 
a cascade gain stage. Note that (3.165) is relatively independent of that actual design 
once V 0112 is chosen, and V elf, is usually determined by maximum signal-handling 
requirements. Also note that rop 2 has a very strong dependence on the channel length. 

EXAMPLE 3.12 

Estimate the lower bound on the frequency of the second pole of a folded-cascade 
amplifier for a 0.8-µm technology, where a typical value of 0.25 Vis chosen for 

veff2· 

Solution 
Normally, the minimum length of a cascade transistor in an analog circuit might 
be 25 to 50 percent of the minimum length of transistors used in digital circuits. 
Therefore, assuming L2 = 1.5 · 0.8 µm = 1.2 µm, and using µP = 0.02 

2 m /V · s, and V01t, = 0.25 V, we have rop 2 > 1.7 x 109 rad = 21t · 276 MHz. 
For a telescopic-cascade amplifier, the upper bound would be 690 MHz. In 
most practical opamp designs, the unity-gain frequency of a typical design 
might be limited to around one-half the frequency of the lower bound second 
pole. In this example, the typical unity-gain frequencies would be 138 MHz and 
345 MHz for the folded-cascade and telescopic-cascade amplifiers, respec­
tively. 

Finally, the time constant at the gate of the input transistor can be important when 
the source resistance is large, though not as important as in a common-source stage, 
since a cascade gain-stage does not suffer as much from a Miller effect. In other 
words, at high frequencies, the effective impedance at the source of Q2 has decreased 
to 1/gm,, and there is not much gain from the gate of Q 1 to the source of Q2 . Recall 
that in a common-source amplifier, the effective size of Cgdl was magnified by the 
gain of the common-source amplifier. 
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3.12 SPICE SIMULATION EXAMPLES 

In this section, circuit diagrams, netlists, and simulation results for selected examples 
in this chapter are presented. Each of the netlists contains the circuit elements and 
commands used in the simulations, but does not contain transistor model parameters. 

Simulation of Example 3.2 

The circuit for Example 3.2 is shown in Fig. 3.41 where a 5-V power supply is used. 
The bias voltage, V; 0 , has to be set such that both 0 1 and Q2 are in the active region, 
and approximately 2.5 V appears across the drain-source nodes for each of them. 

NETLIST: 
vdd 1 0 
ibias 2 0 
m3 2 2 I 
m2 3 2 1 
ml 3 4 0 
V!Il 4 0 

.op 

.ac dee IO lk I OOOOMeg 

.print vdb(3) 

.option post 

1 
1 
0 

.lib " . ./cmos_models" library 

.end 

de 5 
de lOOu 
pmos W=lOOu l=l.6u 
pmos W=IOOu l=l.6u 
nmos w=IOOu l=l.6u 
de 0.849 ac l 

The frequency plot for this simulation is shown in Fig. 3.42. Note that the gain is 
36 dB, which corresponds to approximately 63 VN. 

Simulation of Example 3.3 

The circuit for Example 3.3 is shown in Fig. 3.43, where it should be noted that the 
body Of QI is tied to ground, rather than to its SOUrCe. 

Fig. 3.41 Circuit for Example 3.2. 
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Fig. 3.42 Frequency simulation result for the commonw 
source amplifier. 

Active load 
0 -=- -=- 0 

NETLIST: 
vdd I 0 
ibias I 2 
m3 2 2 0 
m2 3 2 0 
ml 1 4 3 
vin 4 0 

.op 

.ac dee 10 lk IOOOMeg 

.print vdb(3) 

.option post 

.lib " . ./cmos_models" library 

.end 

0 
0 
0 

Fig. 3.43 Circuit for Example 3.3. 

de 5 
de IOOu 
nmos w=IOOu l=l.6u 
nmos w=IOOu l=i.6u 
nmos w=IOOu l=l.6u 
de 2 ac I 

The frequency plot for this simulation is shown in Fig. 3.44. The gain is -1.3 dB, 
which corresponds to 0.86 VN. 
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Fig. 3.44 Frequency plot for the source-follower circuit. 

Simulation of Example 3.8 

The circuit for Example 3.8 is shown in Fig. 3.45. 

NETLIST: 
vdd I 0 
ibias 2 0 
m3 2 2 
m2 3 2 
ml 3 4 
rin 5 4 
vin 5 0 
cl 3 0 

.op 

.ac dee 20 lk I OOMeg 

.print vdb(3) 

de 5 
de IOOu 

I I pmos W=IOOu l=l.6u 
pmos W=IOOu l=l.6u 

0 0 nmos W=IOOu l=l.6u 
180k 
de 0.849 ac I 
0.3p 

Fig. 3.45 Circuit for Example 3.8. 
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fig. 3.46 Estimate of the-3-dB frequency for a common­
source amplifier. 

.option post 

.lib " . ./cmos_models" library 

.end 

The frequency plot for this simulation is shown in Fig. 3.46, where we see that 
the -3-dB frequency occurs around 460 kHz. 

Simulation of Example 3.9 

The circuit for Example 3.9 is shown in Fig. 3.47. 

NETLIST: 
vdd 1 0 de 5 
vss 2 0 dc-5 
ibias 3 2 de lOOu 
rin 4 0 180k 

4 a, 
3 

I,n Rin lC;, v,u1 

Ibias IC' - - 2 
0 -=- 0 

Fig. 3.47 Circuit for Example 3. 9. 
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~---
2.5 3 

X 10-7 

Fig. 3A8 The step response of a source follower, 
showing a 10-percent overshoot. 

cin 
cl 
ml 
iin 

.op 

4 
3 

4 

.option post 

.tran 0.5n 300n 

.print v(3) 

0 
0 
4 
0 

3 

.lib " .. /cmos_models" library 

.end 

2 

30f 
!Op 
nmos W=IOOu l=l.6u 
pulse (0 -5u !On O 0) 

The step response of the source follower is shown in Fig. 3.48. The overshoot 
here is about 10 percent. 

Simulation of Example 3. 10 

The circuit for Example 3.10 is shown in Fig. 3.49. The compensation network that 
eliminates the complex conjugate poles is included. The simulation is used to obtain 
the frequency plot from which the first and second poles of the resulting source fol­
lower are determined. 

NETLIST: 
vdd 
vss 
ibias 

I 
2 
3 

0 
0 
2 

de 5 
dc-5 
de IOOu 
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4 a, 
3 c, vout 

Jin R1n Cin 

R1 J 5 

!bias 
- - l 2 

~c, 
0 0 

Fig. 3.49 Circuit for Example 3.10. 

rin 4 0 180k 
cm 4 0 30f 
cl 3 0 !Op 
ml 4 3 2 nmos W=IOOu 1=1.6u 
iin 4 0 
cl 4 5 
rl 5 0 

.op 

.print vdb(3) 

.lib " . ./cmos_models"' library 

.end 

de O ac 1 
0.17p 
49.3k 

The frequency plot of this source follower is shown in Fig. 3.50. The first pole 
occurs around 3.6 MHz. whereas the second pole occurs around 16 MHz. 

" 
20~··---~~~-~-~-~-~~~~ 
,t ,t ,t ,t ,t ,t ,t 

Frequency [HzJ 

Fig. 3.50 The bode plot of a source follower with a 
compensation network. 
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Simulation of Example 3. 11 

The circuit for Example 3.11 is shown in Fig. 3.51. Notice that 0 3 through 0 6 form 
a cascade current mirror to produce !bias· The width and length of the p-channel tran­
sistors are chosen such that their 9m and r ds are matched to those of the n-channel 
transistors. 

NETLIST: 
vdd 1 0 de 5 
ibias 6 0 de lOOu 
m4 6 6 7 1 pmos W=390u 1=2u 
m5 7 7 1 1 pmos W=390u 1=2u 
m6 8 7 1 I pmos W=390u 1=2u 
m3 2 6 8 1 pmos W=390u 1=2u 
m2 2 3 4 0 nmos W=lOOu l=l.6u 
ml 4 5 0 0 nmos W=lOOu l=l.6u 
cl 2 0 5p 
vbias 3 0 de 2.5 
vin 5 0 de 0.8425 ac 1 

.op 

.ac dee 10 0.1 1 OOOMeg 

.print vdb(2) 

.option post 

.lib " . ./cmos_models" library 

.end 

The frequency plot of this cascode amplifier is shown in Fig. 3.52. The gain at de 
is 80 dB (i.e., 10,000 VN) and has a-3-dB frequency around 2 kHz. 

Fig. 3.51 Circuit for Example 3.11. 
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3.14 PROBLEMS 

Unless otherwise stated, assume the following: 

• npn bipolar transistors: 
p = 100 
VA = 80 V 
tb = 13 ps 
't 5 = 4 ns 
rb = 330 Q 

• n-channel MOS transistors: 
2 

µnCo, = 92 µA/V 
V,n = 0.8 V 
"I = 0.5 V

112 

r ds (Q) = 8,000 L (µm)/I 0 (mA) in active region 
C --4 2 

i = 2.4 X 10 pF/(µm) 
C;-sw = 2.0 X 10--4 pF /µm 
C 0 , = 1.9 x 10-3 pF/(µm) 2 

Cgs(overlap) = Cgd(overlap) = 2.0 X 10-4 pF/µm 

p-channel MOS transistors: 
2 

µpC 0 , = 30 µA/V 
V,p = -0.9 V 
"I = 0.8 V

112 
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rd, (Q) = 12,000L (µm)/I 0 (mA) in active region 
--4 2 

Ci= 4.5 x lO pF/(µm) 
Cj-sw = 2.5 X l0-

4 
pF/µm 

C 0 , = 1.9 x 10-3 pF/(µm) 2 

Cgs(overlap) = Cgd(overlap) = 2.0 X l0--4 pF/µm 

3. 14 Problems 177 

3.1 Consider the current mirror shown in Fig. 3.1, where I;n = 80 µA, transistor 
0 1 has W/L = 100 µm/1.6 µm, and transistor 0 2 has W/L = 
25 µm/ 1.6 µm. Find the nominal output current as well as the output imped­
ance, r oul· Also, find the minimum output voltage such that both transistors 
remain in the active region. 

3.2 For the common-source amplifier in Fig. 3.4, derive the relationship between 
the bias current, Ibcas, and the de gain. Assume all transistor sizes are the same. 

3.3 For the common-source amplifier in Fig. 3.4, assume there is a load capacitor, 
CL, that dominates the frequency response. Derive the -3-dB frequency of the 
amplifier. Find the relationship between the -3-dB frequency and the bias cur­
rent, Ibias· Assume all transistor sizes are the same. 

3.4 In the high-frequency analysis of a common-source amplifier, show that the 
transfer function given in equation (3.103) can be derived from nodal equations 
(3.101) and (3.102). 

3.5 Find the-3-dB frequency of the common-source amplifier in Fig. 3.4, assum­
ing that all transistors have W/L = 75 µm/1.6 µm and that Ibcas = 75 µA. 
The first step is to estimate the areas and peripheries of the junctions based on 
simple layout rules. In this step, assume eaclT transistor is composed of three 
gate stripes. Based on this geometry, the next step is to estimate the parasitic 
capacitances of the small-signal model. In this step, assume the de bias voltage 
of the output node is halfway between ground and the 5-V power-supply 
voltage. 

3.6 Derive the low-frequency output impedance of the source follower shown in 
Fig. 3.6. 

3.7 Derive an equation for the impedance looking into the source of a source fol­
lower. Use a small-signal model similar to that in Fig. 3.8, but do not take into 
account C, and R51 . 

3.8 Repeat Example 3.9, but assume CL = 0.5 pF when (a) the source is not con­
nected to the substrate, and (b) the source is connected to the substrate. 

3.<J Repeat Example 3.10, but assume CL = 0.5 pF when (a) the source is 
not connected to the substrate, and (b) the source is connected to the sub­
strate. 

3.10 Assume that the common-gate amplifier of Fig. 3.9 has a bias current of 
0.1 mA and that all transistors have a W/L of 100 µm/1.6 µm. Also assume 
the following: 
r ds-n (Q) = 8,000L (µm)/Io (mA) 
rct,-p (Q) = 12,000L (µm)/[ 0 (mA) 
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R;n = 180 kl! 
CL = 1 pF 
C 9, = 0.2 pF 
C9ct 15 fF 
c,b 40 fF 
cdb = 20 fF . 
And assume the input source has a 30-fF output capacitance. Find the -3-dB 
frequency of the amplifier. 

3.11 Derive the output impedance of the current mirror shown in Fig. P3. I l, where 
a diode-connected transistor has been included in series with the source of the 
output transistor. 

Fig. P3. ll 

3.12 A MOS n-channel cascode current mirror has a bias current of 0.1 mA and 
transistor sizes given by W /L = 50 µm/ l.6 µm. What is the minimum out­
put voltage allowable across the current mirror without any transistors entering 
the triode region? 

3.13 Using small-signal analysis, find the output impedance of a MOS cascade cur­
rent mirror. Include in your analysis the voltage-dependent current source that 
models the body effect. 

3.14 Using small-signal analysis, find the equation for the output impedance, 
rout, of a MOS Wilson current mirror, and show that it is approximately 
given by 

Ignore the body effect. Remember to include the effect of the output imped­
ance of the input current source. 

3.15 Repeat Problem 3.14, but include the voltage-dependent current source that 
models the body effect. 

3.16 Repeat Example 3.11, in which a cascode amplifier is analyzed to find its-3-dB 
frequency, but assume CL = 0.5 pF. 

3.17 Derive an expression for the frequency at which the magnitude of the gain of a 
cascode amplifier has decreased to unity. What is this value when the parame­
ters of Example 3.11 are used, except that CL = 2 pF 0 
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3.18 Derive the current gain, lou/1,n, for the bipolar current mirror shown in 
Fig. 3.22, and show that, for ~ >> I. this gain is I - 2/~. (Neglect finite out­
put impedances.) 

3.19 Derive the current gain, l0u1ll,n, for the bipolar current mirror shown in 
Fig. 3.23, and show that, for ~ >> I, this gain is I - 2/~

2
. (Neglect finite out­

put impedances.) 

3.20 For the bipolar cascode current mirror shown in Fig. 3.25(a), derive the current 
gain, loutll,n. and show that. for large ~- this gain is given by 

lout = l _ ~ 
I,n ~ 

3.21 For the bipolar Wilson current mirror shown in Fig. 3.25(b), show that the cur­
rent gain, l 0u1ll,n, is given by 

2 
= 

I,n ~2 +2~+2 

3.22 Derive the output impedance of the simple bipolar current mirror shown in Fig. 
P3.22. Take the finite output impedance, r O , into account for both transistors. 
What is the required value for R, and what is the output impedance if we want 
the transistors to be biased at 0.2 mA 0 

V00 = 5 V 

Fig. P3.22 

3.23 For a common-source amplifier similar to that in Fig. 3.4 but realized using 
bipolar transistors, derive the relationship between the bias current, Ib,as, and 
the de gain. 

3.24 Derive th, -3-dB frequency of a bipolar common-emitter amplifier. 

3.25 Derive the low-frequency gain and output impedance of a bipolar emitter fol­
lower that is biased with a current mirror. What are these values for a 0.5-mA 
bias current? 

3.26 Derive the low-frequency input impedance and the gain of a bipolar common­
base amplifier. 

3.27 For the circuit shown in Fig. P3.27, show that the output impedance, rout, is 
approximately given by 

rout = r 02( I + 9m,( Re II r ,) ) 
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vbias 

Fig. P3.27 

3.28 Taking into account the finite current gain of bipolar transistors, but ignoring 
the finite output impedance, find the large-signal current gains of cascode and 
Wilson current mirrors. 

3.29 Assuming ~ >> 1 and 9mr O >> ~. show that the output impedance of a bipolar 
Wilson current mirror is approximately given by 

~ro 
rout= 2 

3.30 Repeat Problem 3.29 for a bipolar cascode current mirror. 

3.31 For the differential-input stage in Fig. 3.19. assume that ]bias = O.lmA, all 
transistors have W /L = 100 µm/ 1.6 µm, and the load capacitance is 
100 pF. Find the de gain and the -3-dB frequency. 
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CHAPTER 

Noise Analysis and 
Modelling 

To develop good analog circuit design techniques. a basic understanding of noise 
sources an<l analysis is required. Another motivation to study noise analysis is to learn 
basic concepts of random signals for a proper understanding of oversampling convert­
ers. The purpose of this chapter is to present some fundamentals of noise analysis fol­
lowed by an introduction to electronic noise sources and circuit analysis. 

It should be mentioned here that this chapter deals with inherent noise as opposed 
to inteiference noise. Interference noise is a result of unwanted interaction between 
the circuit and the outside world, or between different parts of the circuit itself. This 
type of noise may or may not appear as random signals. Examples are power supply 
noise on ground wires (such as a 60-Hz hum) or electromagnetic interference between 
wires. Interference noise can be significantly reduced by careful circuit wiring or lay­
out. In contrast, inherent noise refers to random noise signals that can be reduced but 
never eliminated since this noise is due to fundamental properties of the circuits. 
Some examples of inherent noise are thermal, shot,-and flicker noise. Inherent noise is 
only moderately affected by circuit wiring or layout, such as using multiple base con­
tacts to change the resistance value of the base of a transistor. However, inherent 
noise can be significantly reduced through proper circuit design, such as changing the 
circuit structure or increasing the power consumption. 

The outline of this chapter is as follows: First. a time-domain analysis of noise 
signals (or other random signals) is presented. Here, basic concepts such as rms value, 
signal-to-noise ratio, and noise summation are presented. Next, a frequency-domain 
analysis of noise is presented. As with deterministic signals, analysis in the frequency 
domain results in more powerful analysis tools than does analysis that remains strictly 
in the time domain. Noise models for circuit elements are then presented, and finally, 
two circuit noise analyses are performed to give the reader some experience in such 
analysis. 

4.1 TIME-DOMAIN ANALYSIS 

Since inherent noise signals are random in nature, we define here some basic tools to 
effectively deal with random signals. Specifically, in this section, we define the fol­
lowing terms in the time domain: rms value, SNR, dBm, and noise summation. 

181 
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Fig. 4.1 Example of a voltage noise signal (time domain). 

An example of a random noise signal in the time domain is shown in Fig. 4.1. 
Although this signal here is a voltage signal. it could just as easily be current noise or 
some other quantity. It should be noted that this noise signal appears to have an aver­
age value of zero. In fact. throughout this chapter we will assume all noise signals 
have a mean value of zero. which simplifies many of the definitions and is also valid 
in most physical systems. -

Rms Value 

Consider a noise voltage, v n(t) , such as that shown in Fig. 4.1, or a noise current, 
in(l). Therms, or root mean square, voltage value is defined1 as 

[
I T ]112 

V n(rms) = T Io V~(l) di (4.1) 

where T is a suitable averaging time interval. Typically, a longer T gives a more 
accurate rrns measurement. Similarly, the rrns current value is defined as 

ln(rms) = [~ s: i~(l) dt]1
12 

(4.2) 

The benefit in knowing the rms value of a signal is that it indicates the normalized 
noise power of the signal. Specifically, if the random signal Vn(I) is applied to a 1-Q 
resistor, the average power dissipated, P diss• in watts, equals the normalized noise 

1. For those more rigorously inclined, we assume throughout this chapter that random signals are ergodic, 
implying their ensemble averages can be approximated by their time averages. 
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power and is given by 

P diss = 

4. l Time-Domain Analysis 183 

2 
vn(rms) - vz 
10 - n(rms) (4.3) 

This relationship implies that the power dissipated by a resistor is the same whether a 
random signal or a de level of k volts (rms) is applied across it. For example, a noise 
signal with an rms value of 1 m V (rms) dissipates the same power across a resistor as 
a de voltage of 1 mV. 

Similarly, for a noise current, in(t), applied to a 1-Q resistor, 
2 2 

P d;ss = In(rms) x 1 Q = lnums) (4.4) 

As a result, the square of therms values, V~(rmsJ and l~irms), are sometimes referred 
to as the normalized noise powers of these two signals. 

The signal-to-noise ratio (SNR) value (in dB) of a signal node in a system is defined as 

SNR = 10 log [signal power] 
n01se power 

(4.5) 

Thus, assuming a node in a circuit consists of a signal, v ,(t) , that has a normalized signal 
power of V!umsJ and a normalized noise power o! V~1rmsJ• the SNR is given by 

SNR = 10 log [V~;rmsJ] = 20 log[~ xirmsi] 
V n(rms) n(rms) 

(4.6) 

Clearly, when the mean-squared values of the noise and signal are the same, then 
SNR = 0 dB. 

Units of dBm 

Although dB units relate the relative ratio of two power levels, it is often useful to 
know a signal's power in dB on an absolute scale. One common measure is that of 
dBm, where all power levels are referenced by 1 mW. In other words, a I-mW signal 
corresponds to O dBm, whereas a 1-µW signal corresponds to -30 dBm. When volt­
age levels are measured, it is also common to reference the voltage level to the equiv­
alent power dissipated if the voltage is applied across either a 50-Q or a 75-Q resistor. 

EXAMPLE 4.1 

Find the rms voltage of a 0-dBm signal referenced to a 50-Q resistor. What is 
the level in dBm of a 2-volt rms signal" 
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Solution 
A 0-dBm signal referenced to a 50-Q resistor implies that therms voltage level 
equals 

Vumsi = ,j(50 Q) x I mW = 0.2236 

Thus, a 2-volt rms signal corresponds to 

( 
2.0 ) 20log -- = 19 dBm 

0.2236 

and would dissipate 80 mW across a 50-Q resistor. 

(4.7) 

(4.8) 

Note that the measured voltage may never be physically applied across any 50-Q 
resistor. The measured voltage is referenced only to power levels that would occur if 
the voltage were applied. Similar results are obtained if the power is referenced to a 
75-Q resistor. 

Noise Summation 

Consider the case of two noise sources added together, as shown in Fig. 4.2. If therms 
values of each individual noise source are known, what can be said about the rms 
value of the combined signal9 We answer this question as follows. Define v00(t) as 

V 00(1) = V 01 (1) + v0 ,(I) (4.9) 

where v01 (1) and V 02(1) are two noise sources with known rms values V0 ,(,msJ and 
V nl(rmsJ, respectively. Then we can write 

, 1 JT 2 
v;oums) = T o[Vn1(1)+vn,(I)] di (4.10) 

(4.11) 

+ 
Vo,(1) 

V ,2(1) 

(a) (b) 

Fig. 4.2 Combining two noise sources, (a) voltage, and (b) current. 
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Note that the first two terms in the right-hand side of ( 4.11) are the individual mean­
squared values of the noise sources. The last term shows the correlation between the 
two signal sources, Vn 1(t) and Vn,(t). An alternate way to write (4.11) that better indi­
cates the effects of signal correlation, is to define a correlation coefficient, C , as 

l IT f O Vn 1(l)Vn,(t) dt 
C = -'-----­

V n1 (rms) V n2(rms) 

(4.12) 

With this definition, (4.11) can also be written as 
2 2 2 

Vno(rms) = Vn1(rmsJ + Vn2trmsJ + 2CVn1(rmsJVn2umsJ (4.13) 

It can be shown that the correlation coefficient always satisfies the condition 
-I SC S I. Also, a value of C = ± l implies the two signals are fully correlated, 
whereas C = 0 indicates the signals are uncorrelated. Values in between imply the 
signals are partially correlated. Fortunately, we have little reason to analyze partially 
correlated signals since different inherent noise sources are typically uncorrelated. 

In the case of two uncorrelated signals, the mean-squared value of their sum is 
given by 

2 2 2 
V no(rms) = V n I (rms) + V n2(rms) (4.14) 

This relationship indicates that two rms values add as though they were vectors at 
right angles to each other (i.e., orthogonal) when signals are uncorrelated. 

It is of interest to contrast this uncorrelated case with that for fully correlated signals. 
An example of two fully correlated (though dete~inistic) sources are two sinusoidal 
signals that have the same frequency and a phase of O or 180 degrees with each other. 
In this fully correlated case, the mean-squared value of their sum is given by 

2 2 
VnoumsJ = [Vn11rms1 ± Vn2crms1l (4.15) 

where the sign is detennined by whether the signals are in or out of phase with each 
other. Note that, in this case where the signals are fully correlated, therms values add 
linearly (similar to aligned vectors). 

EXAMPLE 4.2 

Given two uncorrelated noise sources that have VnJ(rms) = JO µV and 
V nl(rmsJ = 5 µ V, find their total output rms value when combined. If we are 
required to maintain the total rms value at lO µ V, how much should V n, (rms) 

be reduced while V n2 (rmsJ remains unchanged? 

Solution 
Using (4.14) results in 

v2 = (10
2 + 52

) no(rms} 125(µ V)
2 (4.16) 

which results in V no(rmsJ = 11.2 µ V. 
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To maintain Vno<rmsi = 10 µV and Vn 2(rmsi = 5 µV, we have 

10
2 = v~l(rms) + 5

2 
(4.17) 

which results in Vn,irmsJ = 8.7 µV. Therefore, reducing Vn 1i,msJ by 13 per­
cent is equivalent to eliminating V n2(rms, altogether! 

The above example has an important moral. To reduce overall noise, concentrate 
on large noise signals. 

4.2 FREQUENCY-DOMAIN ANALYSIS 

As with deterministic signals, the frequency-domain techniques are useful for dealing 
with random signals such as noise. This section presents frequency-domain tech­
niques for dealing with noise signals and other random signals. It should be noted that 
units of hertz (Hz) (rather than radians/second) are used throughout this chapter since, 
historically, such units have been commonly used in the measurement of continuous­
time spectral densities. 

Noise Spectral Density 

1,00 

100 
2 

(µ V) 10 

Hz 1.0 

Although periodic signals (such as a sinusoid) have power at distinct frequency loca­
tions, random signals have their power spread out over the frequency spectrum. For 
example, if the time-domain signal shown in Fig. 4.1 is applied to a spectrum ana­
lyzer, the resulting spectrum might look like that shown in Fig. 4.3(a). Note here that 
although the horizontal scale is the usual frequency axis, the vertical scale is in units 
of microvolts-squared/hertz. In other words, the vertical axis is a measure of the nor­
malized noise power (mean-squared value) over a I-Hz bandwidth at each frequency 
point. For example, the measurement at 100 Hz in Fig. 4.3(a) indicates that the nor­
malized power between 99.5 Hz and 100.5 Hz is IO (µV) 2

• 

Spectral density 

Vn<f) 

31.6 
µV 10 

.)Hz 3.16 

1.0 

Root spectral density 

0.1 1.0 10 100 1,000 

(a) 

(Hz) 0.1 1.0 10 100 1,000 (HZ) 

(b) 

Fig. 4.3 Example of voltage spectral density (frequency domain), for (a) spectral density, and (b) 
root spectral density. 
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4.2 Frequency-Domain Analysis 187 

Thus, we define the noise spectral density, V~(f) (or, in the case of current, 
I~(f) ), as the average normalized noise power over a I -Hz bandwidth. The units 

2 ' of V n(f) are volts-squared/hertz, whereas those of I~(f) are amps-squared/hertz. Also, 
V~(f) is a positive real-valued function. 

It should be emphasized here that the mean-squared value of a random noise sig­
nal at a single precise frequency is zero. In other words, the mean-squared value of the 
signal shown in Fig. 4.3(a) measured at 100 Hz is directly proportional to the band­
width of the bandpass filter used for the measurement. In a laboratory spectrum ana­
lyzer, the bandwidth of the bandpass filter is determined by the resolution-bandwidth 
control. Thus, as the resolution bandwidth goes to zero, the mean-squared value also 
becomes zero. 2 Conversely, as the reso.lution bandwidth increases, so does the mea­
sured mean-squared value. In either case, the measured mean-squared value should be 
normalized to the value that would be obtained for a bandwidth of I Hz when the noise 

' spectral density is stated in units of v- / (Hz). For example, if the signal corresponding 
to Fig. 4.3(a) were measured at around 0.1 Hz using a resolution bandwidth of 
I mHz, the mean-squared value measured would be I (µV) 2

, which, when scaled to 
a I-Hz bandwidth, equals 1,000 (µ V2)/Hz. 

An intuitive explanation of how a random noise signal is measured using a spec­
trum analyzer is as follows. A random noise signal has a frequency that is continually 
changing through a broad continuum of frequencies. A spectrum analyzer is sensitive 
to only a narrow frequency range that is the passband of its filter, and it measures the 
mean-squared value in that range. The filter of the spectrum analyzer reacts with a 
time constant approximately given by 

rrW 
(4.18) 

where W is the bandwidth of the filter. For some of the time, the random signal has 
the same frequency as the spectrum analyzer's filter. Thus, the spectrum analyzer 
effectively measures what percentage of time the random signal is in the frequency 
range of its filter. The narrower the bandwidth of the filter, the less percentage of time 
the signal is within its frequency range, and therefore the smaller is the spectrum ana­
lyzer's output. However, if the signal is not a random signal wandering in and out of 
the frequency range of the spectrum analyzer's filter, but is a deterministic signal at 
the center frequency of the filter, then the spectrum analyzer's reading is independent 
of the filter's bandwidth. 

It is often convenient to plot the square root of the noise spectral density when 
we deal with filtered noise. Taking a square root results in V n(f), as shown in 
Fig. 4.3(b). We will refer to V n(f) as the root spectral density which is expressed in 
units of volts/root-hertz (i.e., V / $z ). In the case of current noise, the resulting 
units are amps/root-hertz. Note that the horizontal axis remains unchanged although 
there is a root-hertz factor in the vertical axis. 

Since the spectral density measures the mean-squared value over a I-Hz band­
width, one can obtain the total mean-squared value by integrating the spectral density 

2. Such a result would not occur when a 100-Hz sinu~oidal wa,·eform is mea~ured. 
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over the entire frequency spectrum. Thus, the rms value of a noise signal can also be 
obtained in the frequency domain using the following relationship: 

2 s- 2 V n(rms) = O V n(f) df (4.19) 

and similarly for current noise, 

2 s- 2 lnums) = 0 l 0(f) df (4.20) 

Finally, it should be mentioned here that the spectral density function, V~(f), is 
the Fourier transform of the autocorrelation function of the time-domain signal, v 0 (t) . 
This relationship is known as the Wiener-Khinchin theorem. It should also be noted 
that the relationship just shown defines a one-sided spectral density function since the 
noise is integrated only over positive frequencies as opposed to both negative and 
positive frequencies, again primarily for historical reasons. A two-sided definition 
results in the spectral density being divided by two since, for real-valued signals, the 
spectral density is the same for positive and negative frequencies, and the total mean­
squared value remains unchanged. 

EXAMPLE 4.3 

What mean-squared value would be measured on the signal shown in Fig. 4.3 at 
IOO Hz when a resolution bandwidth of)O Hz is used on a spectrum analyzer? 
Answer the same question for a 0.1-Hz resolution bandwidth. 

Solution 

White Noise 

Since the portion of spectral density function is flat at about I 00 Hz, the mea­
sured value should simply be proportional to the bandwidth. Since the noise 
spectral density is IO (µ V)

2 /Hz at 100 Hz, the output of a 30-Hz filter is 
30 Hz x IO (µV)

2 = 300 (µV)
2 (or an rms value of J306 µV). 

For a 0.1-Hz bandwidth, the measured value would be IO times smaller than 
for a I-Hz bandwidth, resulting in a value of I (µV)' (or an rms value of 
I µV). 

One common type of noise is white noise. A noise signal is said to be white if its spec­
tral density is constant over a given frequency. In other words, a white noise signal 
would have a flat spectral density, as shown in Fig. 4.4, where V 0(f) is given by 

(4.21) 

and V nw is a constant value. 
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V n(f) 

Root spectral density 

CiHz) 10 V (f) = V = 3.2-µV_ 
3.2 +------------- n nw )Hz 

1.0 

-+----+--+---+--+-----+ f 
0.1 1.0 10 100 1,000 (Hz) 

Fig. 4.4 An example of a white noise signal. 

1 /f, or Flicker, Noise 

Another common noise shape is that of 1/J, or flicker, noise.' The spectral density, 
V~(f) , of 1/f noise is approximated by 

k' 
V~(f) = T ( 4.22) 

where kv is a constant. Thus, the spectral density is inversely proportional to frequency, 
and hence the term "1/f noise." In terms of root spectral density, 1/f noise is given by 

kv 
V 0 (f) = Ji (4.23) 

Note that it is inversely proportional to Ji (rather than f ). An example of a signal 
having both 1/f and white noise is shown in Fig. 4.5. Note that the 1/f noise falls off at 
a rate of -10 dB/decade since it is inversely proportional to Ji. The intersection of 
the 1/f and white noise curves is often referred to as the /If noise corner (it occurs at 
10 Hz in Fig. 4.5). 

V ,(f) 

(~ 110 ,.;Hz) 
3.2 

1.0 

-10 dB/decade Root spectral density 

3 2 -6 2 
V;(f) = (. x10 ) +(1 x10-•)' 

1 /f noise corner f / 
,I 

0.1 1.0 10 100 1,000 

1/f noise 
dominates 

White noise 
dominates 

Fig. 4.5 A noise signal that hos both 1 /I ond white noise. 

3. 1/f, or flicker, noise is also referred to as pink noise since it has a large low-frequency content. 
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Filtered Noise 

Consider the case of a noise signal, V n/f) , being filtered by the transfer function 
A(s), as shown in Fig. 4.6. Here, A(s) represents a linear transfer function as a 
result of some circuit amplification, filtering, or both. The following relationship 
between the input and output signals can be derived using the definition of the spec­
tral density. 

V~0(f) = IA(j2rrf)l
2
V~;(f) (4.24) 

The term 2rrf arises here since, for physical frequencies, we replace S with jro = 
j2rrf. Note that the output spectral density is a function only of the magnitude of the 
transfer function, and not its phase. As a result of (4.24), the total output mean­
squared value is given by 

2 f"" , 2 2 V no(rms) = 0 IAU2rrf)I V n;(f) di (4.25) 

If we wish to work with root spectral densities, we can take the square root of both 
sides of (4.24) resulting in 

(4.26) 

The relationship in (4.26) should make intuitive sense since it indicates that the 
transfer function simply shapes the root spectral density of the input noise signal. It 
is important to note here that the root spe\;_tral density is simply shaped by 
IA(j2rrf)I, whereas the spectral density is shaped by IAU2rrf)l

2 
(as seen by (4.24)). 

Hence, we see the benefit in dealing with the root spectral density rather than the 
spectral density. Specifically, straightforward transfer function analysis is applied 
when using root spectral densities, whereas squared terms are required to deal with 
spectral densities. 

It is also of interest to consider the case of multiple uncorrelated noise sources 
that are each filtered and summed together. For example, consider the system shown 
in Fig. 4. 7 in which three filtered, uncorrelated noise sources combine to form the 
total output noise, V no<!) . In this case, one can show that if the input random signals 
are uncorrelated, the filter outputs are also uncorrelated. As a result, the output spec­
tral density is given by 

V~ 0(f) = L IA;(j2rrf)l
2
V~;(f) 

i == 1, 2, 3 

IA( j 2rrf)l 2V~;(f) 

Fig. 4.6 Applying a transfer function (i.e., filter) to a noise 
signal. 

(4.27) 
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V n,(f) A 1(s) 

[ J/2 Uncorrelated V n2<fl A2(s) 
Vno<f) = ; • ;,31A;(j21tf)l2V~;(f) noise sources 

V ns<f) A3(s) 

Fig. 4.7 Filtered uncorrelated noise sources contributing to total output noise. 

EXAMPLE 4.4 

Consider a noise signal, V n/1), that has a white root spectral density of 
20 nV / Jifz, as shown in Fig. 4.8(a). Find the total noise rms value between 

de and I 00 kHz. What is the total noise rms value if it is filtered by the RC filter 
shown in Fig. 4.8(b), where it is assumed the RC filter is noise free? 

Solulion 

[;:i':I 
1.0 

IA(j21tfll 
(dB) 

0 

-20 

1.0 

For the noise mean-square value from de to I 00 kHz of V n;(f) , we have 

2 Jl0
5

2 7 2 V ni(rmsJ = 
0 

20 di = 4 X 10 (nV) (4.28) 

resulting in an rms value of V ni(rmsJ = 6.3 µ V rms. Note that, for this simple 
case, one could also obtain the rms value ]2y multiplying 20 n V / Jifz by the 
square root of the frequency span, or JI 00 kHz , resulting in 6.3 µ V rms. 

R = 1 kQ 

Vn;(f) ~ Vno(f) 

I I I I • 1 re= 0.159 µF 
f - --

10 100 103 104 0 - 21tRC ~ 

(a) (b) 

1 V no(f) A(S) = 
1 + s/2nf0 

[~) 20 
3 ./Hz 10 = 10 

2 

10 100 103 10' 1.0 10 100 10' 10' 

(c) (d) 

Fig. 4.8 (a) Spectral density for V n,<f). (b) RC filter to shape noise. (c) RC filter frequency 
response. (d) Spectral density for V no<f). 
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For the filtered signal, V 00(1) . we find that the RC filter has the frequency 
response shown in Fig. 4.8(c). Therefore. we can multiply the root spectral den­
sity of V 0 ;(f) with the frequency response. JAQ2rcf)J. to obtain the root spectral 
density of V 00(f). as shown in Fig. 4.8(d). Mathematically. the output root spec­
tral density is given by 

20 X J0-9 

V no(f) = ----

J 1 +( fJ' 
(4.29) 

where 10 = 103
. Thus. the noise mean-squared value of V 00(1) between de and 

100 kHz is given by 

v~O(rms) :::: J'o' 20
2 

df = 

o 1 + (! )' 
lo 

(4.30) 

= 6.24 x IO°(nV) 2 

which results in an rms value of V no(rms) = 0. 79 µ V rms. Note that the noise 
rms value of V 00(f) is almost 1 / 10 that of V 0 ;(f) since high-frequency noise 
above 1 kHz was filtered. The lesson here is that you should not design circuits 
for larger bandwidths than your signal requires, otherwise noise performance 
suffers. 

Noise Bandwidth 

We just saw that the spectral density function is determined by the noise power within 
each 1-Hz bandwidth. Thus, in theory, one could measure the spectral density func­
tion by filtering a noise signal with a brick-wall bandpass filter having a 1-Hz band­
width. The term brick wall implies here that the I-Hz bandwidth of the filter is passed 
with a gain of one, whereas all other frequencies are entirely eliminated. However, 
practical filters can only approach a brick-wall response as their complexity (i.e., filter 
order) is increased. Thus, for lower-order filters with a I-Hz passband, more noise 
power is passed than what is simply in a I-Hz bandwidth. To account for the fact that 
practical filters have more gradual stopband characteristics, the term noise bandwidth 
is defined. The noise bandwidth of a given filter is equal to the frequency span of a 
brick-wall filter that has the same output noise rms value that the given filter has 
when white noise is applied to both filters (peak gains are the same for the given and 
brick-wallfilters). In other words. given a filter response with peak gain A0 , the noise 
bandwidth is the width of a rectangular filter that has the same area and peak gain, 
A0 . as the original filter. 

For example. consider a first-order, low-pass response with a 3-dB bandwidth of 
10 , as shown in Fig. 4.9(a). Such a response would occur from the RC filter shown in 
Fig. 4.8(b) with 10 = ( 1 /21tRC). The transfer function of A(s) is given by 
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O+------, 
(dB) 

-20 dB/decade 

,/ 
O+------, 

(dB) > 

-20 -20 

. . . . . 
' ' ~ 1t 

. 
lo lo lo 1010 

f 0 f 0 lo 
100 10 I = -I 

100 10 ' 2 0 
(a) (b) 

Fig. 4.9 (a) A first-order, low-pass response, and (b) a brick-wall filter that has the same peak 
gain and area as the first-order response. 

A(s) = 
s 

l+--
27tlo 

This results in the magnitude response of A(s) being equal to 

[ ]

1/2 

IA(illl = 1 + (i)' 
An input signal, V n;(I), is a white noise source given by 

V,;(I) = Vnw 

where V nw is a constant. The total output noise rms value of V no<I) is equal to 

2 f- V~w 2 (I)\- V~w7tlo 
VnacrmsJ = o (1)2 di= Vnwloarctan i;; = --2-

1 + - 0 

lo 

(4.31) 

(4.32) 

(4.33) 

(4.34) 

If this same input signal, V n;(I), is applied to the filter shown in Fig. 4.9(b), then 
the total output noise rms value equals, 

2 f '~ 2 2 V brick(rms) = 
0 

V nw df == V nwfx 

Finally, equating the two output noise rms values, V no(rmsJ = 

itlo 
f = -
' 2 

(4.35) 

vbrick(rms)• results in 

(4.36) 

Thus, the noise bandwidth of a first-order, low-pass filter with a 3-dB bandwidth of 10 

equals 1t(l0/2). Note that, for the common case in which a first-order circuit is real­
ized by a capacitor, C, and the resistance seen by that capacitor, R0 q, then 

1 
10 = (4.37) 

21tR 0 qC 
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and the noise bandwidth is given by 

4R0 qC 
f -X - (4.38) 

The advantage of knowing the noise bandwidth of a filter is that, when white 
noise is applied to the filter input, the total output noise mean-squared value is easily 
calculated by multiplying the spectral density by the noise bandwidth. Specifically, in 
the first-order case just described, the total output noise mean-squared value, 

' v~o(rms)• is equal to 

2 2 2 (lt\ 
vno(rms) = vnwfx = vnw 2/0 (4.39) 

Similar results for noise-bandwidth relationships can be obtained for higher-order 
and bandpass filters. 

Piecewise Integration of Noise 

Although simulation and computer techniques can analyze circuits or systems quite 
precisely (depending on their modelling accuracy), it is often convenient to make 
approximations that are useful in the early design stages. Such approximations are 
particularly useful in noise analysis, where large inaccuracies occur naturally due to 
such things as unknown parasitic effects and incomplete noise models. One such 
approximation is the estimation of total noise by_ integrating over frequency with the 
assumption that piecewise-linear Bode diagrams are exact. With such an approxima­
tion, integration formulas become much simpler when one needs only to integrate 
under linear functions and add together the resulting portions. The following example 
demonstrates this approach. 

EXAMPLE 4.5 

Consider an input noise signal, V 0 ;(1), being applied to the amplifier A(s), as 
shown in Fig. 4.10. Find the output noise rms value of V no<f) above I Hz. 

Solution 
As shown, the output root spectral density, V no(f), is determined by the addition 
of the Bode diagrams for V 0 ;(1) and A(s). To perform piecewise integration of 
V 00(1), the frequency range is broken into four regions, N1 through N4, as shown. 

For the region N1, the total mean-square noise is given by 

2 

N; = J '.002
~ di = 

In the region N2, we have 

N; = J10
' 202 di 

- 100 

100 
200

2 
ln(f)l 1 = l.84x I0

5
(nV)

2 

10' 
= 20'11100 = 3.6 x 10\nV)2 

(4.40) 

(4.41) 
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Vn;(f) 
200 

.............. ..........._ 

c;,i 20 

2 
10 100 103 10

4 
10

5 10' 10' 
Frequency (Hz) 

IA(j2nf)j 
20 

(dB) Oi---•--•--J.::_---+---t----"'~---l 

10 100 103 104 10s 10' 10' 
Frequency (Hz) 

V noCf) 
200 

_ 1/f curve 

c;,i 
20 

2 
10 100 103 10' 10' 10' 10' 

Frequency (Hz) 

I.,. 
N, 

•14 •14 •I .. • N2 N3 N4 

Fig. 4.10 Root spectral densities and amplifier curve example. V no(f) is the output noise that 
results from applying an input signal with noise V ,,(f) to the amplifier A(s). 

Region N 3 ramps up rather than down, resulting in 

, 20
2

1
2 

( 20 )'[ 
10

'] N; = J1°,--
2 

df = - 3 !1
1

1 . = 1.33 x IO'(nV)
2 

ID ( IO') IO 3 10' 

(4.42) 

Finally, for region N4 , we can use the noise bandwidth result of a first-order, 
low-pass response and simply remove the noise portion resulting from under 
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104 Hz. Specifically, we have, 

= 200
2(~)105 

- (200
2
)(10

4
) = 5.88 X 10\nV)2 

.2 

Thus, the total output noise can be estimated to be 

2 2 2 2 1/2 
Vno(cms) = (N 1 + N2 + N3 + N4) = 77.5 µV rms 

(4.43) 

(4.44) 

An interesting point to note here is that in the preceding example, N4 = 
76.7 µ V rms is quite close to the total noise value of 77.5 µV rms. Thus, in prac­
tice, there is little need to find the noise contributions in the regions N 1 , N2 , and N3 . 

Such an observation leads us to the 1/f noise tangent principle. 

l /f Noise Tangent Principle 

The 1/f noise tangent principle is as follows: To determine the frequency region or 
regions that contribute the dominant noise, lower a 1/f noise line until it touches the 
spectral density curve~the total noise can be approximated by the noise in the vicin­
ity of the 1/f line [Kennedy, 1988]. For example, lowering a 1/f line toward the root 
spectral density of Vn 0(f) in Fig. 4.10 indicates that the noise around 105 dominates. 
The reason this simple rule works is that a curve proportional to 1/x results in equal 
power over each decade of frequency. Therefore, by lowering this constant power/ 
frequency curve, the largest power contribution will touch it first. However, because 
the integration of 1 /x approaches infinity if either the upper bound is infinity or the 
lower bound is zero, one must be careful in cases where the spectral density curve 
runs parallel to a I /f tangent line for an appreciable frequency span. For example, 
consider once again Fig. 4.10, where the region N 1 runs parallel to the 1/f tangent 
line. However, in this example, region N 1 does not contribute much noise since the 
noise was only integrated above I Hz . If a much lower frequency bound is used, this 
region can also contribute appreciable noise power. 

4.3 NOISE MODELS FOR CIRCUIT ELEMENTS 

There are three main fundamental noise mechanisms-thermal, shot, and flicker. In 
this section, we discuss noise models for popular circuit elements where all three 
mechanisms occur. However, first we briefly describe these noise phenomena. 

Thermal noise is due to the thermal excitation of charge carriers in a conductor. 
This noise has a white spectral density and is proportional to absolute temperature. It 
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is not dependent on bias conditions (de bias current) and it occurs in all resistors 
(including conductors) above absolute zero. Thus, thermal noise places fundamental 
limits on the dynamic range achievable in electronic circuits. It should be mentioned 
here that thermal noise is also referred to as Johnson or Nyquist noise since it was first 
observed by J. B. Johnson [Johnson, 1928] and analyzed using the second law of ther­
modynamics by H. Nyquist [Nyquist, 1928]. 

Shot noise was first studied by W. Schottky using vacuum-tube diodes [Schottky, 
1918], but shot noise also occurs in pn junctions. This noise occurs because the de 
bias current is not continuous and smooth but instead is a result of pulses of current 
caused by the individual flow of carriers. As such, shot noise is dependent on the de 
bias current. It can also be modelled as a white noise source. Shot noise is also typi­
cally larger than thermal noise and is sometimes used to create white noise generators. 

Flicker noise is the least understood of the three noise phenomena. It is found in 
all active devices as well as in carbon resistors,4 but it occurs only when a de current is 
flowing. Flicker noise usually arises due to traps in the semiconductor, where carriers 
that would normally constitute de current flow are held for some time period and then 
released. Flicker noise is also commonly referred to as 1/f noise since it is well mod­
elled as having a l/f

0 
spectral density, where a is between 0.8 and 1.3. Although 

both bipolar and MOSFET transistors have flicker noise, it is a significant noise 
source in MOS transistors, whereas it can often be ignored in bipolar transistors. 

The major source of noise in resistors is thermal noise. As just discussed, it appears as 
white noise and can be modelled as a voltage source, V R(f), in series with a noiseless 
resistor. With such an approach, the spectral density function, V~(f), is found to be 
given by 

V~(f) = 4kTR (4.45) 

where k is Boltzmann's constant ( 1.38 x 10-23 JK- 1 
), T 1s the temperature in 

Kelvins, and R is the resistance size. 
An alternate way to write (4.45) is to note that a 1-kQ resistor exhibits a root 

spectral density of 4.06 nV / JHz in thermal noise at room temperature (300 °K). 
Since the root spectral density is proportional to the square root of the resistance, we 
can also write 

(4.46) 

Note that, to reduce the thermal noise due to resistors, one must either lower the 
temperature or use lower resistance values. The fact that lower resistance values cause 
less thermal noise becomes much more apparent when we look at kT IC noise in 
capacitors later in this section. 

4. Carbon resistors are not used in integrated-circuit design but are available as discrete elements. 
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Diodes 

An alternate model can be derived by finding the Norton equivalent circuit. Spe­
cifically, the series voltage noise source, V R(f) , can be replaced with a parallel cur­
rent noise source, IR(f) , given by 

V2
(f) 

I~(f) = _R - = 4kT (4.47) 
R' R 

Both resistor models are summarized in Fig. 4.11. 

Shot noise is typically the dominant noise in diodes and can be modelled with a cur­
rent source in parallel with the small-signal resistance of the diode, as Fig. 4.11 
shows. The spectral density function of the current source is found to be given by 

I~(f) = 2qI0 (4.48) 

where q is one electronic charge ( 1.6 x Io· 19 C) and I0 is the de bias current flow­
ing through the diode. The small-signal resistance of the diode, rd, is given by the 
usual relationship, 

kT 
rd = 

qlo 
(4.49) 

Note that the Thevenin equivalent circuit can also be used, as shown in Fig. 4.11. 
It should be noted here that the small-signal resistance, rd , is used for modelling and 
is not a physical resistor; hence, rd does not contribute any thermal noise. 

Bipolar Transistors 

The noise in bipolar transistors is due to the shot noise of both the collector and base 
currents, the flicker noise of the base current, and the thermal noise of the base resis­
tance. A common practice is to combine all these noise sources into two equivalent 
noise sources at the base of the transistor, as shown in Fig. 4.11. Here, the equivalent 
input voltage noise, V;(f), is given by 

V;(f) = 4kT(rb + -
1
-) 

2gm 
(4.50) 

where the rb term is due to the thermal noise of the base resistance and the 9m term is 
due to collector-current shot noise referred back to the input. The equivalent input 
current noise, l;(f) , equals 

I; (f) = 2q I8 + - + --2 ( Kla le ) 

f l~<fll' 
(4.51) 

where the 2qI8 term is a result of base-current shot noise, the KI8 /f term models 
1/f noise ( K is a constant dependent on device properties), and the le term is the 
input-referred collector-current shot noise (it is often ignored). 
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Resistor 

Diode 

(Fotward biased) 

BJT 

(Active region) 

MOSFET 

(Active region) 

Opamp 
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Noise Models 

$ R (Noiseless) 

' V~(f) = 4kTR 

kT 
rd = - (Noiseless) 

qlo 

Rh 
(Noiseless)µ 

l~(f) = 4kT 
R 

rd= ~pl2(f) qlo d = 

(Noiseless) 

2ql0 

V~(f) = 4kT(rb + -
1
-) 

2gm 
(Noiseless) 

V~(f) h 
o-@---i p l~(f) 

V~(f) = K 
WLC 0 xf 

l~(f) = 4kT(1)im 

l;(f) = 2q 18 +-+--, ( Kl8 le J 
f 1~(1)1 2 

V~(f) J 
o-@---!

1 
(Noiseless) 

V2(f) = 4kT(~)...1... + __ K_ 
1 

3 gm WLC 0 xf 

Simplified model for 
low and moderate frequencies 

V n(f), ln_(f), In.Cf) 

- Values depend on opamp 
- Typically, all uncorrelated 

Fig. 4.11 Circuit elements and their noise models. Note that capacitors and inductors do 
not generate noise. 
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MOSFETS 

A couple of comments here are that the noise of r b typically dominates in Vlf) , 
and the base-current shot noise often dominates in the input-current noise, I; (f). 
Thus, the equivalent voltage and current noise are not derived from the same noise 
sources. As a result, it is common practice to assume that the input voltage and current 
noise sources in a bipolar transistor are uncorrelated.5 

The dominant noise sources for active MOSFET transistors are flicker and thermal 
noise, as shown in Fig. 4. 11. The flicker noise is modelled as a voltage source in 
series with the gate of value 

V2 f - K 
9() - WLC f 

ox 

(4.52) 

where the constant K is dependent on device characteristics and can vary widely for 
different devices in the same process. The variables W, L, and C 0 x represent the 
transistor's width, length, and gate capacitance per unit area, respectively. An impor­
tant point to note here is that the 1/fnoise is inversely proportional to the transistor 
area, WL. In other words, larger devices have less 1/f noise. 1/f noise is extremely 
important in MOSFET circuits, because it typically dominates at low frequencies 
unless switching-circuit techniques are used to reduce its effect. Also, typically p­
channel transistors have less noise than their n-channel counterparts since their major­
ity carriers (holes) are less likely to be trapped. 

The derivation of the thermal noise term is straightforward and is due to the resis­
tive channel of a MOS transistor in the active region. If the transistor was in triode, 
the thermal noise current in the drain due to the channel resistance would simply be 

' given by I;;(f) = (4kT)/rds• where rd, is the channel resistance. However, when the 
transistor is in the active region, the channel cannot be considered homogeneous, and 
thus, the total noise is found by integrating over small portions of the channel. Such 
an integration results in the noise current in the drain being given by 

(4.53) 

for the case V08 = VGs-VT. 
Often, noise analyses are done just by including this noise source between the 

transistor drain and source. Sometimes, however, analysis may be simplified if it is 
replaced by an equivalent input noise source. To find the equivalent noise voltage that 
would cause this drain current, we note that the drain current is equal to the gate volt­
age times the transconductance of the device, or, mathematically, ld(f) = 9m V;(f). 

5. An exception to thi~ is high-frequency designs in which the collector shot noise becomes more important 
because, at high frequencies, p becomes small. In this case. the input current noise source is partially cor­
related with the input voltage noise source. If neither noise source dominates. then the correct analysis is 
more difficult and beyond the scope of this text. Fortunately. this case is not often encountered in practice. 
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Thus, dividing (4.53) by g~ results in the simplified MOSFET model, also shown in 
Fig. 4.11, where there is now only one voltage noise source. However. one should be 
aware that this simplified model assumes the gate current is zero. Although this 
assumption is valid at low and moderate frequencies, an appreciable amount of cur­
rent would flow through the gate-source capacitance, C

9
,, at higher frequencies. In 

summary, although most noise analysis can be performed using the simplified model, 
if in doubt, one should use the model with the thermal noise placed as a current source 
in parallel with the drain-source channel. 

Finally, it should be noted that no gate leakage noise terms have been included in 
this noise model since, in modern process, the gate leakage is so small that its noise 
contribution is rarely significant. 

EXAMPLE 4.6 

A large MOS transistor consists of ten individual transistors connected in paral­
lel. Considering 1/f noise only, what is the equivalent input voltage noise spec­
tral density for the ten transistors compared to that of a single transistor? 

Solution 

From (4.52), the 1/f noise can be modelled as a current source going from the 
drain to the source with a noise spectral density of 

Kg' 
l~(f) = m 

WLC0 xf 
(4.54) 

where 9m is the transconductance of a single transistor. When ten transistors are 
connected in parallel, the drain-current noise spectral density is ten times larger, 
so we have 

I' (f) = _1_o_K_g_~ 
d=IO WLC f 

ox 

(4.55) 

When this noise is referred back to the input of the equivalent transistor, we 
have 

K = -----
IOWLCO,I 

(4.56) 

since the transconductance of ten transistors in parallel, 9m = 10 , is equal to 
10 9m. Thus, the drain current noise spectral density of the equivalent transistor 
is ten times larger, but the input voltage noise spectral density is ten times 
smaller. This result is expected because the input voltage noise source due to 1/f 
noise is inversely proportional to the equivalent transistor area, which in this 
case is 10 WL. 

214 of 720



202 Chapter 4 • Noise Analysis and Modelling 

Actual: 

(a) 

~2 
~vno(f) 

ln-(1) ig~ored: V~ 0 = v~ 

Actual: 
2 2 I 2 Vno = Vn+( n-R) 

(b) 

ln+<f) ignored: 
2 2 

V no = Vn 

Fig. 4.12 Opamp circuits showing the need for three noise sources in an opamp noise model. 
Assume the resistance, R, is noiseless. Also, notation is simplified from V n(f) to V n, and so on. 

Opamps 

Noise in opamps is modelled using three uncorrelated input-referred noise sources, as 
shown in Fig. 4.11. With an opamp that has a MOSFET input stage, the current noises 
can often be ignored at low frequencies since their values are small. However, for 
bipolar input stages, all three noise sources are typically required, as shown in 
Fig. 4.12. In Fig. 4.12(a), if Vn(f) is not included in the model, a unity-gain buffer 
with no resistors indicates that the circuit output is noiseless. In fact, the voltage noise 
source, V n(f) , dominates. If ln-(f) is not included in an opamp model, the circuit 
shown in Fig. 4.12(b) indicates that the output noise voltage equals Vn(f). Here, the 
current noise may dominate if the resistance, R , is large. A similar conclusion can be 
drawn with In/f), as shown in Fig. 4.12(c). 

Capacitors and Inductors 

Capacitors and inductors do not generate any noise. However, they do accumulate 
noise generated by other noise sources. Here, we will see that the capacitor noise 
mean-squared value equals kT /C when it is connected to an arbitrary resistor value. 

Consider a capacitance, C , in parallel with a resistor of arbitrary size, R , as 
shown in Fig. 4.13(a). The equivalent circuit for noise analysis is shown in 
Fig. 4.13(b). To determine the total noise mean-squared value across the capacitor, we 
note that V no<f) is simply a first,order, low-pass, filtered signal with V R(f) as the 

(a) 

R~VnaCf) 

V R(f) = ,l4kTR T t C 

(b) 

Fig. 4.13 (a) Capacitor, C, in parallel with a resistor, and (b) equivalent 
noise model circuit. 
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input. Therefore, we recognize that the noise bandwidth is given by {1t/2)10 (see 
Section 4.2, Eq. (4.36), and since the input has a white spectral density, the total out­
put mean-squared value is calculated as 

' v~o(rms) = V~(f)(~\ = (4kTR)(~x-
1
-) 

2)' 2 21tRC 
(4.57) 

2 kT 
vna(rms) = c 

In other words, the rms voltage value across a capacitor is equal to JkT IC, regard­
less of the resistance seen across it. Such a result is due to fact that small resistances 
have less noise spectral density but result in a wide bandwidth, compared to large 
resistances, which have reduced bandwidth but larger noise spectral density. 

Finally, it should be stated that this noise property for capacitors gives a funda­
mental limit on the minimum noise level across a capacitor. 6 Thus, to lower the noise 
level, either the temperature must be lowered or the capacitance value must be 
increased. 

EXAMPLE 4.7 

At a room temperature of 300 °K, what capacitor size is needed to achieve a 96-dB 
dynamic range in an analog circuit with maximum signal levels of 1 V rms? 

Solution 
The value of noise that can be tolerated here is 96 dB down from 1 V rms, 
which is 

V n(rms} = 15.8 µV rms (4.58) 

Using (4.57), we have 

2 
vn(rms) 

C 
kT = 16.6 pF (4.59) 

Thus, the minimum capacitor size that can be used (without oversampling) is 
16.6 pF. The use of this minimum capacitor size determines the maximum resis­
tance size allowed to achieve a given time constant. 

Finally, it should be mentioned that the equivalent noise current mean-squared 
value in an inductor of value L is given by (see Problem 4.9) 

, kT 
l~o(rms) = T 

6. Some feedback circuits can make the noise smaller but signal levels are also typically smaller (see 
Problem 4.8). 

(4.60) 
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Sampled Signal Noise 

In many cases, one should obtain a sampled value of an analog voltage. For example, 
switched-capacitor circuits make extensive use of sampling, and sample-and-hold cir­
cuits are commonly used in analog-to-digital and digital-to-analog conversion. 

Consider a basic sample-and-hold circuit, as shown in Fig. 4.14. When <l>c1k 

drops, the transistor turns off and, in an ideal noiseless world, the input voltage signal 
at that instance would be held on capacitance C. However, when thermal noise is 
present, the resistance when the transistor is switched on causes the capacitance volt­
age noise to be equal to JkT IC. Thus, when the switch is turned off, the noise as 
well as the desired signal is held on C . As a result, a fundamental limit occurs for 
sampled signals using a capacitance C-an rrns noise voltage of JkT IC. 

It should be noted that this noise voltage will not depend on the sampling rate and 
is independent from sample to sample. This fact suggests a method to reduce the 
noise level of a signal measurement. Specifically, in the case where V;n is a de (or 
low-frequency) signal, taking only one sample results in a noise voltage of JkT IC. 
However, if many samples are taken (say, 1,000) and all samples are averaged, the 
averaged value will have a reduced noise level. The reason this technique improves 
the measurement accuracy is that, when individual sampled values are summed 
together, their signal values add linearly, whereas their noise values add as the root of 
the sum of squares. This technique is known as oversampling and will be discussed at 
length with respect to oversampling converters in Chapter 14. 

4.4 NOISE ANALYSIS EXAMPLES 

In this section, a variety of circuits are analyzed from a noise perspective. Although 
some useful design techniques for reducing noise are presented, the main purpose of 
this section is to give the reader some experience in analyzing circuits from a noise 
perspective. 

Opamp Example 

Consider an inverting amplifier and its equivalent noise model, as shown in Fig. 4.15. 
Here, Vn(f), ln-,(1), and ln+(f) represent the opamp's equivalent input noise, and the 
remaining noise sources are resistor thermal noise sources. Note that current noise 
sources are used in the models for R 1 and R1, whereas a voltage noise source is used 
for R2 • As we will see, these choices of noise sources simplify the circuit analysis. 

Fig. 4.14 A sample-<md-hold circuit. 
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R, 

(a) (b) 

Fig. 4.15 (a) Low-pass filter, and (b) equivalent noise model. 

First, using superposition and assuming all noise sources are uncorrelated, con­
sider the output noise voltage, V~01 (I), due only to In,, Inf. and In_. These three noise 
currents add together, and their total current sum is fed into the parallel combination 
of C1 and R1• Note that no current passes through R 1 since the voltage across it is 
zero due to the virtual ground at the negative opamp terminal (assuming a high-gain 
opamp). Thus, the output noise mean-squared value due to these three noise currents 
is given by 

(4.61) 

This equation indicates that this part of the output noise value equals the sum of the 
noise currents multiplied by R~. This noise portion is then shaped by a low-pass filter 
with a 3-dB frequency equal to 10 = l/(2rrR1C1). 

Using superposition further, the output mean-squared value, V~
0
,(I), due to the 

three noise sources at the positive opamp terminal can be found as follows: By con­
verting In+ to a voltage source (by multiplying it by R2 ), we see that the three noise 
voltages are summed and are applied to the positive opamp terminal. Since the gain 
from the positive opamp terminal to the output signal is easily found, the output noise 
mean-squared value due to these three noise sources is given by 

(4.62) 

This equation indicates that this part of the output noise mean-squared value equals 
the sum of the noise voltages, and this noise portion is then shaped by the shown trans­
fer function. For this transfer function, if R1 << R 1 , then its gain approximately 
equals unity for all frequencies. Thus, for an ideal opamp, the noise would exist up to 
infinite frequency, resulting in an infinite amount of mean-squared volts. However, 
for practical circuits, the gain drops off above the unity-gain frequency of the opamp, 
and thus the noise is effectively low-pass filtered. In the case where R1 >> R1 , the 
low-frequency gain is roughly R1/ R 1, and its 3-dB frequency is the same as in the 
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case of the noise sources at the negative opamp terminal (i.e., 10 = l/(2itR1C1) ). 

However, in this case, the gain only decreases to unity and then remains at that level. 
Treating the Bode plot as exact and noting that, above f O , the gain drops off at -20 dB/ 
decade, this transfer function reaches unity around 11 = (R1/R 1)10 • Thus, one should 
also include the opamp's positive input noise (with a gain of one) integrated over the 
region between f 1 and the unity-gain frequency of the opamp. 

Finally, the total output noise mean-squared value is simply the sum 

V~ 0 (f) = V~ 0 ,(f) + V~02 (1) (4.63) 

or, if rms values are found, 

EXAMPLE 4.8 

, , v' 
vno(rms) = vnol(rms) + no2(rms) (4.64) 

Estimate the total output noise rms value for a 10-kHz low-pass filter, as shown 
in Fig.4.15, when C1 = 160pF, R1 = 100k, R1 = 10 k, and R2 = 9.1 k. 
Also, find the SNR for an input signal equal to 100 m V rms . Assume that the 
noise voltage of the opamp is given by Vn(f) = 20 nV /$, both its noise 
currents are ln(f) = 0.6 pA/ )Hz, and that its unity-gain frequency equals 
5 MHz. 

Solution 
Assuming the device is at room tempedlture, the resistor noise sources are 
equal to 

In, = 0.406 pA/ )Hz ( 4.65) 

In 1 = 1.28 pA/ )Hz ( 4.66) 

V n, = 12.2 nV /$ (4.67) 

The low-frequency value of V~01 (f) is found by letting f = 0 in (4.61). 

V~01(0) = [!~ 1(0) + !~1(0) + l~(O)JR; 

= (0.4062 + 1.282 + o.62)(1 x 10-12
)

2
000 kl' (4.68) 

= (147 nv;)Hz)' 

Since ( 4.61) also indicates that this noise is low-pass filtered, the rms output 
noise value due to these three sources can be found using the concept of a noise 
equivalent bandwidth. Specifically, we multiply the spectral density by 
(1tf0 )/2, where f0 = l/(2itR1C1). Thus, 

2 r;-.:2 1 
V no1(rms) = ( 147 nV / ,mz) X 4( 100 kr.!)( 160 pF) 

(4.69) 

= (18.4 µ V)
2 
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To estimate the output noise due to the sources at the positive opamp termi­
nal, we find V~02(0) to be given by 

V~02(0) = [I~.(f)R; + V; 2(f) + V~(f)](l + R1/R 1)
2 

= (24.1 nV/Jttz)
2 x 11 2 (4.70) 

= (265 nV/Jfu)
2 

This noise is also low-pass filtered at 10 until f 1 = (R1/ R1 )10 , where the noise 
gain reaches unity and it remains until 11 = 5 MHz (i.e, the unity-gain fre­
quency of the opamp ). Thus, breaking this noise into two portions, and using 
(4.38) to calculate the first portion, we have 

2 
V no2(rms) = (265 X J0-

9
{(-

1-)+ (24.J X 10-9
)

2(~\f, -f 1) 
4R1C1 2J (4.71) 

= (74.6 µV) 2 

Thus, the total output noise is estimated to be 

Vno(rms) = Jv~o1ums) + V~o2(rms> = 77 µV rms (4.72) 

It should be noted here that the major source of noise at low frequencies is 
due to the opamp's voltage noise, V n(f). 

To obtain the SNR for this circuit with a 100-mV rms input level, one can 
find the output signal mean-squared value and relate that to the output noise 
value. Alternatively, one can find the equivalent input noise value by dividing 
the output noise value by the circuit's gain and then relate the input signal and 
noise mean-squared values. Taking the first approach results in an output signal 
level of I V rms , which gives an SNR of 

SNR = 20log(~) = 82 dB 
77 µV 

(4.73) 

Note here that using a lower-speed opamp would have reduced the total output 
noise, as would choosing an opamp with a lower noise voltage. Also note that 
R2 contributes to the output noise through both its thermal noise and the noise 
current of the opamp's positive input. Since its only purpose is to improve the 
de offset performance, R2 should be eliminated in a low-noise circuit (assum­
ing de offset can be tolerated). 

Bipolar Cammon-Emitter Example 

In this example, we consider a bipolar common-emitter amplifier, as shown in 
Fig. 4.16. Here, we wish to find the optimum bias current to minimize the equiva­
lent input noise of this amplifier (i.e., maximize the signal-to-noise ratio of the 
amplifier). 
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v2 
' 

t-----+---<:>vout 

.-----"vv---< * J-t---1.. 

I2 
' 

I, 

Fig. 4.16 A bipolar common-emitter amplifier. 

We should state that it is assumed here that the collector-current shot noise domi­
nates in the input voltage noise source and the base-current shot noise dominates in 
the input current noise source. Therefore, the input voltage noise due to the transistor 
alone is given by 

V/(1) = 2kT / gm (4.74) 

and the input current noise due to the transistor alone is given by 

' I,(f) = 2qI 8 (4.75) 

These assumptions are reasonable since usually 1/.f noise is not important for bipolar 
transistors, and the collector shot noise is usually not a major component of the input 
current noise source for wideband examples. Also, although the base resistance has 
temporarily been ignored, it will be taken into account shortly by simply modifying 
the size of the source resistance. 

The first step is to replace the input current noise source by an input voltage 
noise source. First, note that the gain from the base to the collector (ignoring the 
transistor output impedance, r0 ) is equal to 9mRc, and the impedance looking 
into the base is r,. Therefore, the output noise due to I/(1) is given by 

V~;(f) = I/(f)[(R 5 II r,)gmRcl 2 (4.76) 

Now the gain from the input voltage noise source to the output is given by 

(4.77) 

To represent the output noise due to the input current source by an equivalent input 
voltage source, we have 

' V;;(f) 

A' V 

(4.78) 
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We can now replace all noise sources by a single voltage noise source, which 
includes the noise due to the input voltage noise source and the input current noise 
source of the transistor, as well as the noise of the source resistor. We have 

2 2 2 
V; = tota1(f) = V; (f) + V;eq(f) + 4kTRs (4.79) 

The first «wo terms represent the noise of the transistor and the third term represents 
the noise of the source resistance. Using (4.74), (4.75), and (4.78), we have 

2 2kT 2 
V; = 10,.,<f) = - + 2qlsRs + 4kTRs (4.80) 

9m 

Substituting 9m = qlc/(kT) and Is = IclP, we find 

2 2(kT) 2 2qlcR~ 
V; = tota1(f) = -- + + 4kTRs 

qlc p 
(4.81) 

The noise of the transistor base resistor can now be included by replacing Rs with 
Rs + r b to obtain 

2 
V; = tota,(f) 

2(kT)
2 

2qlc(Rs + rb)
2 

4kT(R ) = --+ R + s+rb 
qlc " 

(4.82) 

Alternatively, (4.82) can be expressed in terms of 9m = qlc/(kT) as in [Buchwald, 
1995] 

(4.83) 

These two equations are good approximations for most applications of bipolar com­
mon-emitter amplifiers. Notice in (4.82), the first term models the transistor base-cur­
rent shot noise and increases with increased bias current. However, the second term 
(which models the transistor collector shot noise) decreases with increasing collector 
bias current. Finally, the terms modelling the noise of the source resistor and the tran­
sistor base resistor are independent of the transistor bias current. To find the optimum 
bias current, we differentiate (4.82) with respect to le and set the result to zero. This 
yields the rather simple result of 

le= opt = (4.84) 

or, equivalently, 

EXAMPLE4.9 

9m = opt 
Ji3 = --- (4.85) 

Consider the common-emitter amplifier shown in Fig. 4.16, where Re = 
IO kQ, Cc = l pF, Rs = 500 Q, p = 100, and the base resistance is given 
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by rb = 300 Q. At room temperature, (i.e. 300 °K ), find the optimum bias 
current and the total equivalent input noise. 

Solution 
Using (4.84), we find 

Jilii 
le= opt = 0.026 X = 0.325 mA 

500 + 300 
(4.86) 

implying that 

le - = 12.5 mA/V 
Vr 

9m = (4.87) 

To find the output noise spectral density, we now use (4.83) to find 

2 -17 'J 

V; = tota1(f) = 4kT(500 + 300 + 40 + 40) = 1.46 x IO y- /Hz (4.88) 

Notice that the noise due to the source resistance dominates, even though the 
source resistance is moderately small. Even for no source resistance, the thermal 
noise due to the base resistance would still dominate. Thus, for a very low source 
resistance, the major way to improve the noise is to minimize the base resistance 
by using larger transistors ( or to combine a number of parallel transistors). 

Assuming the RC time constant at the collector dominates the frequency 
response, the noise bandwidth of the amplifier is given by 

Ix = I = 25 MHz 
4RcCc 

(4.89) 

resulting in the total input-referred voltage noise given by 

I V2 112 
V ni(rms) = [ , i = tota,(f)] = 19.1 µ V (4.90) 

CMOS Example 

In this example, we look at the input circuitry of a traditional two-stage CMOS opamp, 
as shown in Fig. 4.17. Note that each of the transistors have been modelled using an 
equivalent voltage noise source, as presented in Fig. 4.11. Voltage noise sources are 
used here since we will be addressing the low-frequency noise performance of this 
stage. It should be mentioned here that in the following derivations, we have assumed 
matching between transistor pair Qt and a, as well as in pair a, and a •. 

We start by finding the gains from each noise source to the output node, V no. The 
gains from V n t and V n, are the same as the gains from the input signals, resulting in 

I
V nol = IV nol = 9m, R0 

vn, vn, 
(4.91) 

where R0 is the output impedance seen at V no· 
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V,s 

vbias o---@i 
v,, 

v,,.~ 
v,, 

o--- V no (Output) 

Fig. 4.17 A CMOS input stage for a traditional opamp 
with MOSFET noise sources shown. 

Next, for V n3 , notice that the current through this voltage source must be zero 
because one side is connected to the gate of 0 3 only. Therefore, assuming all other 
sources are zero, the drain current is unaffected by V nJ. This implies that the gate 
voltage of 0 3 is also unaffected by V n3 • Therefore, in the small-signal model, V n3 is 
equal to v 954 , and the gain from V nJ to the output is the same as the gain from V n4 to 
the output. Thus, we have 

(4.92) 

Finally, the noise gain from V ns to the output can be found by noting that it mod­
ulates the bias current and the fact that, due to the symmetry in the circuit, the drain of 
0 2 will track that of O 1 • As a result, the last gain factor is given by 

1
Vno1- 9ms 
vn, - 29m3 

(4.93) 

Since this last gain factor is relatively small compared to the others, it will be ignored 
from here on. 

Using the gain factors just shown, the output noise value is seen to be given by 

(4.94) 

This output noise value can be related back to an equivalent input noise value, 
V neq(f), by dividing it by the gain, 9mi R0 , which results in 

2 2 2 (9m1)
2 

Vneq(f) = 2V01 (f)+2Vn/f) -
9m1 

(4.95) 

Thus, for the white noise portion of V n 1(1) and V n/f), we make the substitution 

V~;(f) = 4kT(~x~) 
3 9m, 

(4.96) 
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resulting in 

v~.q(f) = ('6}T(-l )+('6}T(9m')'(-l ) 
3 9m1 3 9m1 9m3 

(4.97) 

Assuming 9m3/ 9m 1 is not far from unity, we see here that the two pairs of transistors 
contribute an approximately equal amount of noise, and this noise is inversely propor­
tional to the transconductance of 9m 1 . In other words, 9m 1 should be made as large 
as possible to minimize thermal noise contribution. 

However, to look at the effects of 1/f, or flicker, noise, which normally greatly 
dominates at low frequencies, we make the following substitution into ( 4.95), 

resulting in 

V2 (f) = 2V2 (f) + 2V2 (f)[(W/l),µn] 
n, nl n3 (W/l)iµp 

Now, letting each of the noise sources have a spectral density given by 

K v2 (f) - ' 
ni - W LC f 

I I OX 

we have [Bertails, 1979] 

= 2 [ K1 (µnx K,L1 J~ 
Coxf W1l1 + µp W1li ~ 

(4.98) 

(4.99) 

(4.100) 

(4.101) 

Recall that the first term in (4.101) is due to the p-channel input transistors, 0 1 
and 0 2 , and the second term is due to the n-channel loads, 0 3 and 0 4 . We note 
some points for 1/f noise here: 

1. For l 1 = l 3 , the noise of the n-channel loads dominate since µn > µP and 
typically n-channel transistors have larger 1/f noise than p-channel transis­
tors (i.e., K3 > K1). 

2. Taking l 3 longer greatly helps due to the inverse squared relationship in the 
second term of ( 4.101 ). This limits the signal swings somewhat, but it may be 
a reasonable trade-off where low noise is important. 

3. The input noise is independent of W 3, and therefore we can make it large to 
maximize signal swing at the output. 

4. Taking W 1 wider also helps to minimize 1/f noise. (Recall that it helps white 
noise, as well.) 

5. Taking l 1 longer increases the noise because the second term in (4.101) is 
dominant. Specifically, this decreases the input-referred noise of the p-channel 
drive transistors, which are not the dominant noise sources, but it also increases 
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the input-referred noise of the n-channel load transistors, which are the dom­
inant noise sources! 

Finally, we can integrate (4.101) from 11 to 12 to find the equivalent input noise 
value given by 

(4.102) 

where 

-In -K, (''J Co, I I 
(4.103) 

Fiber-Optic Preamp Example 

The most popular means of detecting light from a fiber-optic cable is to use a 
transresistance amplifier. as shown in Fig. 4.18. The light from the fiber cable hits a 
photodetector, such as a reverse-biased diode. The light produces electron hole carriers 
in the depletion region of the reverse-biased diode, causing current to flow through the 
resistor, and therefore the output of the amplifier becomes positive. A popular choice 
for the first stage of the amplifier is to use a common-source amplifier with a resistor 
load. In low-noise applications, an active load would be too noisy. Assuming a CMOS 
transistor is used,7 the preamp can be modelled as ~hown in Fig. 4.19. The photodetec­
tor is modelled as an input current source along with a parasitic capacitance, Gin. Also 
shown in Fig. 4.19 are the two major noise sources. namely the thermal current noise 
at the drain of Q I and the thermal noise from the feedback resistor, RF .' The I if noise 
of the transistor is ignored because it is assumed that the circuit is high speed, such that 
thermal noise dominates. The second (and perhaps subsequent) stage is modelled by an 
amplifier that has a gain of A2 • The noise due to this second stage is also ignored since 
the noise sources in the second stage are not amplified by the gain of the first stage. 

---~===t 
Fiber-optic cable 

>-._-ovout 

Fig. 4.18 A fiber-optic transresistance preamp. 

7. Fiber-optic preamps are often realized using JFET tramistors as well. but since their thermal noise model 
is identical to the noise model of the C\10S transistor, the analysis would be almost unchanged. 
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2 
la= 4kT/R 

Vout 

Fig. 4.19 A simplified model for a CMOS fiber-optic preamp. 

A simplified small-signal model of this preamplifier, used for noise analysis, is 
shown in Fig. 4.20. The only parasitic capacitance considered in the transistor model 
is C

98
, since the gain of the first stage is only moderate, due to the resistor load, and 

therefore we can assume that C90 and Cob can be ignored. The transfer function from 
i;n to the output is found by using nodal analysis to be 

(4.104) 

where Av = A1 A2 is the total voltage gain of the preamp and Cr = C98 + C;n. It is 
also found that this is the same transfer function from I~ to the output. Thus, the 
noise current source I~ can be replaced by an input current noise source having a 
spectral density of 4kT /RF. In a typical design, one would choose RF as large as 
possible to limit this noise. However, this choice is constrained by the bandwidth 
requirements of passing the signal frequencies. From (4.104), we have the -3-dB fre­
quency of the amplifier, given by 

C0_3 dB = 
I+ Av 

RFCT 
(4.105) 

For a given amplifier gain and detector capacitance, RF is chosen using (4.105) to 
place the -3-dB frequency as small as possible without substantially attenuating the 
signals. This makes the dominant node for determining stability the input node. The 
bandwidth of the second amplifier must be substantially greater than that of the input 
node to guarantee stability. Unfortunately, this constraint greatly amplifies the ther­
mal noise due to input transistor Q 1, as we will see next. 

The gain from the noise source I~ to the output is found by using nodal analysis 
to be 
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I~ = 4k~ 

v, 

Fig. 4.20 A simplified small-signal model used for noise analysis. 

= (4.106) 

At low frequencies, this gain is approximately given by I/gm, whereas at high fre­
quencies it is as much as I + Av times greater. Thus, the high-frequency output noise 
due to 0 1 is much greater than the low-frequency noise due to 0 1• Furthermore, the 
only bandwidth limitation of this noise at high frequencies is due to the finite band­
width of the second amplifier, A2 . From the discussion on compensation in Chapter 5, 
we know the second pole frequency of the amplifrer must be almost four times greater 
than the closed-loop -3-dB frequency when lead compensation is not used.8 

Continuing, in order to refer the noise due to Q 1 back to the input, we use ( 4.104) 
and ( 4.106) to obtain 

(4.107) 

We use 

(4.108) 

and we add to this the input noise source that models the noise of the feedback resistor 
to obtain the total input-referred noise, given by 

2 C 2 
2 4kT (2)1 + w (RF rl I; (f) = - + 4kT - , ____ _ 

RF 3 9mR~ 

Notice that the second term starts to quickly increase at a frequency of 

8. Lead compensation could possibly be achieved by placing a capacitor in parallel with RF This is 
beyond the scope of this text. 

(4.109) 
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Wz = ;:;; 
RFCT 1 + Av 

(1)_3 dB 
(4.110) 

which is a relatively low frequency. 
Continuing, normally 2/(3gmRF) << 1, and we have 

' 2 4kT 8kTw-cT 
(4.111) 

= --+-----
RF 3 9m 

Using the facts that 

(4.112) 

and that 

(4.113) 

we can write (4.111) as 

(4.114) 

Normally, V eff is taken as large as possible given power-supply-voltage and power­
dissipation constraints. The only parameter left for the designer to choose is the width 
of the input transistor and, therefore, Cg,. It can be shown (by differentiating the sec­
ond term of (4.114) with respect to Cg, and then setting the result to zero) that the 
second term of ( 4.114) is minimized by the choice Cg, = C;n , in which case we have 
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4.6 PROBLEMS 

Unless otherwise stated, assume dBm values are referenced to 50 Q. 

4.1 !fa signal is measured to have V1,ms) volts, what is the difference in db ifit is 
expressed in dBm referenced to 50 Q as opposed to being referenced to 75 Q? 

4.2 Consider the sum of two noise sources of values -20 dBm and -23 dBm. 
Find the total noise power in dBm for the cases in which the two noise sources 
are (a) uncorrelated, (b) C = 0.3, (c) C = +I, and (d) C = -1. 

4.3 The output noise of a circuit is measured to be -40 dBm around I 00 kHz 
when a resolution bandwidth of 30 Hz is used. What is the expected dBm 
measurement if a resolution bandwidth of tO Hz is used? Find the root spec­
tral density in V / Jttz. 

4.4 At 0.1 Hz, a low-frequency measurement has a noise value of -60 dBm when 
a resolution bandwidth of I MHz is used. Assuming 1/f noise dominates, what 
would be the expected noise value (in dBm) over the band from I MHz to 
I Hz? 

4.5 Show that, when two resistors of values R 1 and R2 are in series, their noise 
model is the same as a single resistance of value R 1 + R2 • Repeat the problem 
for parallel resistances. 

4.6 Sketch the spectral density of voltage noise across a 100-pF capacitor when it 
is in parallel with a 1-kQ resistor. Make another sketch for the same capacitor 
but with a 1-MQ resistance in parallel. What can you say about the area under 
the curves of the two sketches? 

4. 7 Consider the circuit shown in Fig. P4. 7 on p. 218, where the opamp has a 
unity-gain frequency of I MHz and equivalent input voltage and current noise 
sources of V n(f) = 20 nV / Jttz and In(f) = 10 pA/ $, respectively. Esti­
mate the total rms noise voltage at V

O 
• 

4.8 Assuming an ideal noiseless opamp, find the noise level at V, and V
O 

for the 
opamp circuit shown in Fig. P4.8. By what factor is the noise value at V 

0 

larger (or smaller) than kT / I n f? How do you account for this increase (or 
decrease)? Also explain why the noise value at V, is smaller than kT / I n F. 
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1 nF 

20 k 

10 k 

Fig. P4.7 

1 nF 

1 k 

Opamp 

V n(f) = 20 n V / JHz 

In+(f) = In_(f) = 10 pA/ JHz 

f1 = 1 MHz 

Ideal noiseless opamp 

Fig. P4.8 

4.9 Consider an inductor of value L and an arbitrary resistor in parallel, as shown 
in Fig. P4.9. Show that the current noise, in 0 (!), has a noise value given by 

I' kT -
no(rms) = L 

r-r i00(t) 

f R rl 
- -- -

Fig. P4.9 

4.10 The two circuits shown in Fig. P4.10 realize a first-order, low-pass filter. 
Assume the opamps are ideal and noiseless. 

(a) Show that the two circuits have the same input-output transfer function. 

(b) Estimate the total output noise for circuit I, using only dominant noise 
sources. 

(c) Repeat (b) for circuit II. 

4.11 Modify circuit I in Fig. P4.10 such that the new circuit has the same transfer 
function but uses an 80-pF capacitor instead of an 80-nF capacitor. If the 
opamp is ideal and noiseless, what is the new total output noise? 
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7k 14 k 

10k 10k 

80 nF 14 k 80 nF 
v, 

~ 

I II 

4.12 Using the 1/f tangent principle, estimate the total noise above 0.1 Hz for the 
spectral density shown in Fig. 4.3. 

4,13 Consider a bandpass amplifier that has equivalent input noise root spectral den­
sity and amplifier response, as shown in Fig. P4. l 3. Sketch the root spectral 
density for the output signal. Estimate the total output rms noise value by 
applying the 1/f tangent principle. 

Equivalent input noise spectral density: (nV /.}Hz) Bandpass amp gain 
100 ~----'~~---'---"--,--~-~-~~ 

10 

1.0 

0.1 

........ 
I'... 

........ 
I'... 

1--...... 1'... 

0.01 0.1 1.0 10 100 1 k 10 k 100 k
0

·
0

4a.01 0.1 1.0 10 100 1 k 10k 100k 

Fig. P4.13 

Frequency (Hz) Frequency (Hz) 

4.14 Consider the noise root spectral density of the signal shown in Fig. P4.14. Find 
the total rms noise value using a graphical approach for 0.01 to = Hz. Com­
pare your result with that obtained when using the 1/f tangent principle. 

4.15 We saw on page 193, Eq. (4.36), that the noise bandwidth of a first-order, low­
pass filter is (rr/2)10 . Show that the noise bandwidth of a second-order, low­
pass filter given by 

is equal to ( rr/ 4 )10 • 

Ao 
A(s) = ----

( ! +-s )' 
(2rrf0 ) 
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v, 100 

(.!i!._) 10 
./Hz 

1.0 

--............. r--,....,__ 

0.1 
0.01 0.1 1.0 10 100 

Frequency (Hz) 

I" 1 k 10 k 100 k 

Fig. P4.14 

4.16 Consider the two bipolar current mirrors shown in Fig. P4.l6, where I;n is a 
1-mA bias current plus a l 00-µA(rrns) signal current. Assuming that the base 
resistance for each transistor is rb = 330 f.l and dominates the output noise, 
estimate the resulting SNR (in dB) for the two current mirrors over a 50-MHz 
bandwidth (also assume the output noise is white). 

Iin ' + 100
, + 100

, 

13 = 100 

13 = 100 
200 Q 200 Q 

e e 
e e 

(a) (b) 

Fig. P4.16 

4.17 Estimate the total output noise rrns value for a low-pass filter, as shown in Fig. 
4.15,whenC1 = lnF,R1 = 16k,R 1 = l.6k,andR2 = 0.Also,findthe 
SNR for an input signal equal to I 00 m V rms. Assume that the noise voltage 
of the opamp is given by V ,(f) = 20 n V / JHz. that both its noise currents are 
In(f) = 0.6 pA/ ,JHz, and that its unity-gain frequency equals 2 MHz. · 

4.18 Consider the CMOS differential input stage shown in Fig. 4.17, where· Q5 sup­
plies a bias current of 100 µA, resulting in 9m, = 9m, = I mA/V and 
9ml = 9m4 = 0.5 mA/V. Find the equivalent input noise spectral density 

associated with thermal noise. If the bias current is doubled, how does the 
equivalent input noise density change? 
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CHAPTER 

Basic Opamp Design 
and Compensation 

This chapter describes the fundamental principles of basic opamp design. To illustrate 
many of these principles. the design of a traditional opamp-namely, the two-stage 
CMOS opamp-is used. This example illustrates compensation techniques needed to 
ensure stability in closed-loop amplifiers as well as to introduce a number of other 
important design techniques, such as ensuring zero systematic input-offset-voltage 
and process-insensitive lead compensation. Although the two-stage CMOS opamp is 
a classic circuit used in many integrated circuits, other more modern architectures 
have gained popularity recently. These more advanced architectures are described in 
Chapter 6. However, one should not overlook the potential of the two-stage opamp 
because fully-differential versions of this classic opamp are well-suited to low­
voltage applications since they do not require cascade output stages. Fully-differential 
opamps are also described Chapter 6. 

5.1 TWO-STAGE CMOS OPAMP 

The two-stage circuit architecture has historically been the most popular approach for 
both bipolar and CMOS opamps, where a complementary process that has reasonable 
n-type and p-type devices is available. Although a CMOS version of this two-stage 
opamp is described here, a bipolar version is similar (but slightly more complicated). 
When properly designed, the two-stage opamp has a performance very close to more 
modem designs and is somewhat more suitable when resistive loads need to be 
driven. 1 Furthermore, it is an excellent example to illustrate many important design 
concepts that are also directly applicable to other more modern designs. 

A block diagram of a typical two-stage CMOS opamp is shown in Fig. 5.1. "Two­
stage" refers to the number of gain stages in the opamp. Figure 5.1 actually shows 
three stages-two gain stages and a unity-gain output stage. The output buffer is nor­
mally present only when resistive loads need to be driven. If the load is purely capac­
itive, then it is seldom included. The first gain stage is a differential-input single­
ended output stage, often very similar to that shown in Fig. 3.19. The second gain 
stage is normally a common-source gain stage that has an active load, often very sim­
ilar to that shown previously in Fig 3.4. Capacitor Cc is included to ensure stability 

1. In a CMOS integrated circuit. opamp loads are often, but not always. purely capacitive. 

221 
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Differential 
input stage 

Second 
gain stage 

'----..,..----' 

Output 
buffer 

Fig. 5.1 A block diagram of a two-stage opamp. 

Vout 

when the opamp is used with feedback. Because Cc is between the input and the out­
put of the high-gain second stage, it is often called a Miller capacitance since its effec­
tive capacitive load on the first stage is larger than its physical value. 

An example of a practical CMOS version of the two-stage opamp is shown in 
Fig. 5.2. This example is used to illustrate many of the important design principles 
when realizing the two-stage amplifier. 

It should be noted that the first stage has a p-channel differential input pair with 
an n-channel current-mirror active load. This is a complementary differential gain 
stage to that shown previously in Fig. 3.19. The trade-offs between having p-channel 
input transistors versus this stage and the alternative stage of Fig. 3.19 will be dis­
cussed later in this section. Also, the numbers next to the transistors represent reason­
able transistor widths for a 1-µm process. Reasooable sizes for the lengths of the 
transistor might be somewhere between 1.5 and 2 times the minimum transistor length 

..______, 
Bias circuitry 

2 

25 

o, VDD 
300 

02 

300 300 

03 o, ..______, 
Differential-input 

first stage 

1-o V;, + 

o. 

300 

07 ..______, 
Common-source 

second stage 

300 

500 

Fig. 5.2 A CMOS realization of a two-stage amplifier. All transistor lengths are 1.6 µm. 
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of a particular technology, whereas digital logic typically makes use of the minimum 
transistor length. 

OpampGain 

First we discuss the overall gain of the opamp. For low-frequency applications, this 
gain is one of the most critical parameters of an opamp. 

The gain of the first stage has already been derived, resulting in (3.70), and is 
repeated here for convenience: 

Av1 = 9m1(rd,2 II rds4l 

Recall from Chapter 1 that 9mi is given by 

2 C [W) Ibias 
µP 0

' L 2 
I 

(5.1) 

(5.2) 

Also, an approximation to the finite output impedance, r dsi, of transistor O; is given 
by 

L 
r dsi ~ a

1
--' JV DGi + V,; (5.3) 

Di 

where a is a technology-dependent parameter of around 5 x 106 Jv / m. This equa­
tion is at best approximate and ignores all short-channel effects that become more 
important for shorter channel lengths in modern technologies. 

The second gain stage is simply a common-source gain stage with a p-channel 
active load, 06. Its gain is given by (-gm,)( r ds6 II r dS7 ). Thus, we have 

(5.4) 

The third stage is a common-drain buffer stage. This stage is often called a source 
follower, because the source voltage follows the gate voltage of 0 8 , except for a 
level shift. As shown, the substrate of 0 8 is at the same voltage as the source of Q8. 

This connection is only possible when 0 8 is realized in a well that is isolated from the 
bulk. Thus, for this example opamp, one would require a p-well or twin-well process 
to realize this output stage. Tying the substrate of 0 8 to its source eliminates gain 
degradations due to the body effect. This connection also results in a smaller de volt­
age drop from the gate to the source of 0 8, which is a major limitation on the maxi­
mum positive output voltage. As Chapter 3 shows, the gain of this source-follower 
stage is given by 

9ms 
Av, = -----=='----

GL + 9ms + 9ds8 + 9ds9 
(5.5) 

where GL is the load conductance being driven by the buffer stage. When it is not 
possible to tie the substrate of 0 8 to its source, as is the case when an n-well process is 
used (currently, a popular process), then the gain of the buffer stage is given by 
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A,i = 9ms 
· G, + 9ms + 9,s + 9ds8 + 9dsY 

(5.6) 

where 9, is a body-effect conductance and is given by 

(5.7) 

Voltage V 88 is the source-to-substrate (or bulk) voltage. y is the body-effect con­
stant (around 0.5 V 112

). and 2<i>F is twice the difference between the Fermi level in 
the bulk and the Fermi level of intrinsic silicon (around 0.7 V). Thus, 9, is around 

9m/5. 

EXAMPLE 5.1 

Find the gain of the opamp shown in Fig. 5.2 using the following assumptions. 
Assume the bias current of the input differential pair is given by I 05 = 100 µA, 
the power supplies are V 00 = -V 88 = 2.5 V, and R, = 10 kQ. Also assume 
the following process parameters: µnCox = 3µpCox = 96 µA/V

2
, Y = 

1/2 6 r.; 
0.5 V , <i>F = 0.35 V, a= 5 x 10 ,JV Im, and V,n = -V1P = 0.8 V. To 
estimate output impedances, assume the drain-to-gate voltages of the first-stage 
transistors equal 0.5 V, whereas the transistors in the second and third stages 
have V DGi = I V. Finally, do not assume the substrate of 0 8 is connected to its 
source-rather, assume it is connected to th"e negative power supply. 

Solution 
First the bias currents are calculated. Since ]05 = I 00 µA, we have 

101 = 102 = 103 = !04 = 105 /2 = 50 µA 

106 = 107 = (W6/W5)1 05 = 100 µA 

and 

108 = 109 = (W9/W7)107 = 167 µA 

We can now calculate the transconductances of 0 1, 0 2, 0 7, and 0 8 . Using 
(5.2), we have 9mi = 9m, = 0.775 mA/V, 9m7 = 1.90 mA/V, and 9ms = 
3.16 mA/V. 

Next, we need to estimate the output impedances of the transistors. To find 
these impedances, we use (5.3) together with the given approximations that the 
first-stage transistors have V DGi = 0.5 V whereas the transistors in the other 
two stages have drain-to-gate voltages of I V. It should be mentioned here that 
these very rough drain-gate voltage approximations are reasonable since (5.3) is 
only of very moderate accuracy, perhaps 50 percent at best. These values for the 
transistor output impedances can be corrected later once a SPICE analysis is 
run. With the use of (5.3). we find that all of the transistors in the first stage have 
output impedances of 
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rdsl = rds2 = rds3 = rds4 = 182 kQ 

The output impedances of transistors in the second stage are 

rds6 = rds7 = 107 kQ 

whereas the output impedances of transistors in the output stage are 

rds8 = rds9 = 64 kQ 

The last parameter we need to calculate is the body-effect conductance of 
0 8 . Using (5.7) and assuming V0 , 1 is at ground results in V888 = 2.5 V, and 
thus we have 988 = 0.44 mA/V. 

Finally, using (5.1), we calculate that 

Av, = 9m1Crds2 II rds4) = 70.2 V /V 

Using (5.4), 

-102 V/V 

And using (5.6), 

9ms 
Av, = = 0.85 V /V 

GL + 9ms + 9ss + 9ds8 + 9ds9 

Thus, the total gain is equal to Av,Av,Av3 = -6,090 V /V. Once again, it 
should be mentioned here that this result is a rough approximation and should be 
verified using SPICE. The benefit of perfonning the hand calculations is to see 
how the gain is affected by different design parameters. 

Frequency Response 

We now wish to investigate the frequency response of the two-stage opamp at fre­
quencies where the compensation capacitor, Cc, has caused the magnitude of the 
gain to begin to decrease, but still at frequencies well below the unity-gain frequency 
of the opamp. This corresponds to midband frequencies for many applications. This 
allows us to make a couple of simplifying assumptions. First, we will ignore all 
capacitors except the compensation capacitor, Cc, which normally dominates at all 
frequencies except around the unity-gain frequency of the opamp.2 Second, we also 
assume that transistor 0 16 is not present. This transistor operates as a resistor, which 
is included to achieve lead compensation and it has an effect only around the unity­
gain frequency of the opamp, as we will see when we discuss compensation in Section 
5.2. The simplified circuit used for analysis is shown in Fig. 5.3. It is worth mention­
ing that this simplified circuit is often used during system-level simulations when 
speed is more important than accuracy, but aspects such as slew-rate limiting (see 
next subsection) should be included in the simulation. 

2. Recall that the unity-gain frequency of an opamp is that frequency where the magnitude of the open-loop 
opamp gain has decreased to one. 
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Os 

vbias o--1 300 

Vin+ 0-----t------, 

150 

v, 
1---~ 

Fig. 5.3 A simplified model for the opamp used to find the midband fre­
quency response. 

The second stage introduces primarily a capacitive load on the first stage due to 
the compensation capacitor, Cc. Using Miller's Theorem [Sedra, 1991], one can 
show that the equivalent load capacitance, Ceq• at node V1 is given by, 

(5.8) 

The gain in the first stage can now be found using the small-signal model of Fig. 3.20, 
resulting in 

where 

A,= 

I 
= rd,2 II rd,.11-c 

S eq 

For midband frequencies, the impedance of Ceq dominates, and we can write 

Zautl -
I 

For the overall gain, we have 

Vout 
Av(s) = - = A3A2A1 

Vin 
=AA~ 
-

3 2sCcA2 

(5.9) 

(5.10) 

(5.11) 

(5.12) 

using (5.9) and (5.11). If we further assume that A3 = I, then the overall gain, given 
in (5.12), simplifies to 
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Av<s) = 9m, 
sCc 

(5.13) 

This simple equation can be used to find the approximate3 unity-gain frequency. Spe­
cifically, to find the unity-gain frequency, Olia• we set IAvUw,a)I = I, and solve for 
Olia· Performing such a procedure with (5.13), we obtain the following relationship: 

9m1 
w,a = - (5.14) 

Cc 

Note here that the unity-gain frequency is directly proportional to 9m I and inversely 
proportional to Cc. 

EXAMPLE 5.2 

Slew Rate 

Using the same parameters as in Example 5.1, and assuming Cc 
is the unity-gain frequency in Hz? 

Solution 

Using 9m, 0.771 mA/V and (5.14), we find that 

0.771 X 10-3 

= 154.2 Mrad/s 
5 X J0- 12 

Thus, we find that t,a = w,.I ( 2 7l) = 24.5 MHz . 

5 pF, what 

Another important high-frequency parameter of an opamp is its slew rate. The slew 
rate is the maximum rate at which the output changes when input signals are large. 
When the opamp of Fig. 5.2 is limited by its slew rate because a large input signal is 
present, all of the bias current of Q5 goes into either Q1 or Q2, depending on whether 
V;n is negative or positive. When V;n is a large positive voltage, the bias current, 105 , 

goes entirely through 0 1 and also goes into the current-mirror pair, Q3, 0 4 . Thus, the 
current coming out of the compensation capacitor, Cc, (i.e., 104 ) is simply equal to 
105 since 0 2 is off. When V;n is a large negative voltage, the current-mirror pair Q3 
and 0 4 is shut off because Q 1 is off, and now the bias current, 105 , goes di;ectly into 
Cc. In either case, the maximum current entering or leaving Cc is simply the total 
bias current, I05 . 

Defining the slew rate, SR, to be the maximum rate that v 2 can change, and 
recalling that vout = v 2, we have 

3. It is approximate because it is assumed that A3 = 1 and that the higher-frequency poles are being 
ignored. Both of these effect-'> will cause the unity-gain frequency to be slightly smaller than that calculated. 
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SR = dvo"'I = lcclmax = 
di max Cc 

(5.15) 

where we used the charge equation q = CV, which leads to I = dq/dt = 
C(dV /di). Since 105 = 2101 , we can also write 

2101 
SR= -

Cc 
(5.16) 

where I01 is the original bias current of Q 1 with no signals present. Also, using 
(5.14), we have Cc = 9m/W18, and substituting this into (5.16), we have 

Recalling that 

2101W1a 
SR = ----=-:........:.: 

9m1 

9m1 = 2µpCoxlL)
1
101 

we finally have another relationship for the slew-rate value. 

2101 
SR = --::=======w,a = V8 mw,a 

)2µ 0C0,(W/L)1lo1 

where 

V e111 = 
2101 

(5.17) 

(5.18) 

(5.19) 

(5.20) 

from Chapter 1. Normally one has little control over w,a, assuming a given maxi­
mum power dissipation is allowed. It is usually constrained to be less than two-thirds 
of the second-pole frequency, as we will see in Section 5.2, on compensation. As a 
result, the only ways of improving the slew rate for the two-stage CMOS opamp is to 
increase V eff 1, W18 , or both. As we will soon see, obtaining a high slew rate and 
unity-gain frequency are two of the major reasons for choosing p-channel input tran­
sistors rather than n-channel input transistors. It should be mentioned here that 
increasing V eff 1 lowers the transconductance of the input stage. Although increasing 
V effl helps to minimize distortion, a lower transconductance in the first stage 
decreases the de gain and increases the equivalent input thermal noise (see Chapter 4, 
Section 4.4). 

EXAMPLE 5.3 

Using the same parameters as in Example 5.1, and assuming Cc = 5 pF, what 
is the slew rate? What circuit changes could be made to double the slew rate but 
keep w,a and bias currents unchanged? 
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Solution 
From (5.16), we have 

SR= 2x50 µA= 20 V/µs 
5 pF 

(5.21) 

To double the slew rate while maintaining the same bias currents, Cc 
should be set to 2.5 pF. To maintain the same unity-gain frequency, 9mi 

should be halved, which can be accomplished by decreasing the widths of Q 1 
and Q2 by 4 (i.e., one could let W 1 = W 2 = 75 µm). 

Systematic Offset Voltage 

When designing the two-stage CMOS opamp, if one is not careful, it is possible that 
the design will have an inherent (or systematic) input-offset voltage. Indeed, this was 
the case for many of the original designs used in production microcircuits. To see 
what is necessary to guarantee that no inherent input-offset voltage exists, consider 
the first two stages of the opamp, as shown in Fig. 5.4. To ensure that no systematic 
input-offset voltage exists, when the differential input voltage is zero (i.e, when 
V~ = V,, ), the output voltage of the first stage, VGs,, should be that which is 
required to make I07 equal to its bias current, I06. Specifically, the value of V GS? 

should be given by 

(5.22) 

Os 
300 

vbia,1 o----lE---------------1 300 

300 vout2 

300 

a, 
Fig. 5.4 The input and gain stages of the two-stage opamp. 
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When the differential input voltage is zero, the drain voltages of both 0 3 and 0 4 are 
equal by arguments of symmetry. Therefore, the output voltage of the first stage, 
V Gs,, is given by 

(5.23) 

This value is the voltage necessary to cause 107 to be equal to 106 , or, in other words, 
to satisfy (5.22). If this value is not achieved, then the output of the second stage (with 
0 6, 0 7) would clip at either the negative or positive rail since this stage has such a 

high gain.4 However, the gate-source voltage of 0 4 is given by 

. 2104 
/------ + v,n 
µnC 0 x(W/L)4 

so equating (5.22) and (5.24) to satisfy (5.23) results in 

= 

or, equivalently, 

106 
=---

(W/L)4 (W/L), 

(5.24) 

(5.25) 

(5.26) 

This equality, when the current density of o. is equal to the current density of o,, 
guarantees that they both have the same effective gate-source voltages. 

Since 

106 106 (W /L)6 = = ----
104 105 /2 (W/L)5/2 

(5.27) 

we see that the necessary condition to ensure that no input-offset voltage is present is 

(W /L), (W /L)6 
=2---

(W/L). (W/L)5 

(5.28) 

which is satisfied for the sizes shown. Note that this analysis ignores the voltage drop 
of the level-shifter output stage (08, 0 9 ) and any mismatches between the output 
impedance of p-channel and n-channel transistors. Fortunately, these effects cause 
only minor offset voltages, and by satisfying (5.28), offset voltages on the order of 
5 m V or less can be obtained. 

EXAMPLE 5.4 

Consider the opamp of Fig. 5.2, where 0 3 and 0 4 are each changed to widths 
of 120 µm, and we want the output stage to have a bias current of 150 µA. 

4. When the opamp i~ incorrectly designed to have an inherent input-offset voltage, feedback will cause the 
differential input voltage of the first stage to be equal to a nonzero voltage needed to ensure that the second 
stage does not clip. 
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Find the new sizes of 0 6 and Q7 , such that there is no systematic offset volt­
age. 

Solution 

Since I06 determines the bias current of the output stage, and since it should 
have 50 percent more current than I05 , its width sho_uld be 50 percent greater 
than W 5 , resulting in 

w6 = 450 µm 

For 0 7 , we use (5.28), which leads to 

W _ 2(450)(120) 
7 

- 300 = 360 µm 

n·Channel or p-Channel Input Stage 

(5.29) 

(5.30) 

The two-stage opamp discussed above has p-channel input transistors. It is also possi­
ble to realize a complementary opamp where the first stage has an n-channel differen­
tial pair and the second stage is a common-source amplifier having a p-channel input 
drive transistor. The choice of which configuration to use depends on a number of 
trade-offs that are discussed here. 

First, the overall de gain is largely unaffected by the choice since both designs 
have one stage with one or more n-channel drivinglransistors, and one stage with one 
or more p-channel driving transistors. 

For a given power dissipation, and therefore bias current, having a p-channel 
input-pair stage maximizes the slew rate. This result is seen from (5.19) since p­
channel input transistors for the first stage have a larger V eff than would be the case 
for n-channel input transistors (assuming similar maximum widths have been chosen 
to maximize the gain). This slew-rate improvement can be one of the most important 
considerations, and thus most knowledgeable designers choose a p-channel input for 
the first stage. 

Having a p-channel input first stage implies that the second stage has an n­
channel input drive transistor. This arrangement maximizes the transconductance 
of the drive transistor of the second stage, which is critical when high-frequency 
operation is important. As we will see in the next section, the equivalent second 
pole, and therefore the unity-gain frequency as well, are both proportional to the 
transconductance of the second stage. 

Another consideration is whether a p-channel or n-channel source-follower out­
put stage is desired. Typically, an n-channel source follower is preferable because this 
will have less of a voltage drop. Also, since an n-channel transistor has a higher 
transconductance, the effect on the equivalent second pole due to its load capacitance 
is minimized, which is another important consideration. Finally, there is less degrada­
tion of the gain when small load resistances are being driven. The one disadvantage of 
having an n-channel source follower is that, for n-well processes, it is not possible to 
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connect the source to the substrate, thereby minimizing the voltage drop. Finally, note 
that, for opamps that drive purely capacitive loads, the buffer stage should not be 
included, and for this case, the output stage is clearly not a consideration. 

Noise is another important consideration when choosing which input stage to use. 
Perhaps the major noise source of MOS opamps is due to 1/f noise caused by carriers 
randomly entering and leaving traps introduced by defects near the semiconductor 
surface. This 1/f noise source can be especially troublesome unless special circuit 
design techniques are used.5 Typically, p-channel transistors have less 1/f noise than 
n-channel transistors since their majority carriers (holes) have less potential to be 
trapped in surface states. Thus, having a first-stage with p-channel inputs minimizes 
the output noise due to the 1/f noise. The same is not true when thermal noise is con­
sidered. When thermal noise is referred to the input of the opamp, it is minimized by 
using input transistors that have large transconductances (Chapter 4, Section 4.4), 
which unfortunately degrades the slew rate. However, when thermal noise is a major 
consideration, then a more modem architecture, such as a folded-cascode opamp (dis­
cussed in Chapter 6), is normally used. 

In summary, when using a two-stage opamp, a p-channel input transistor for the 
first stage is almost always the best choice because it optimizes slew rate, unity-gain 
frequency, and minimizes 1/f noise, with the major disadvantage being an increase in 
wideband thermal noise. 

5.2 FEEDBACK AND OPAMP COMPENSATION 

This section discusses using opamps in closed-loop configurations and how to com­
pensate an opamp to ensure that the closed-loop configuration is not only stable, but 
also has good settling characteristics. Although the two-stage opamp is used as an 
example, almost all the material discussed here applies to most other opamps as well. 

Optimum compensation of opamps is typically considered to be one of the most 
difficult parts of the opamp design procedure. However, if the systematic approach 
taken here is used, then a straightforward procedure can be used that almost always 
results in a near-optimum compensation network. 

Before discussing compensation, some properties of feedback and closed-loop 
amplifiers will first be reviewed. 

First-Order Model of Closed-Loop Amplifier 

A simple first-order model for the transfer function of a dominant-pole compensated 
opamp, A(s), is given by 

A(s) 

5. Some useful circuit techniques to reduce the effects of 1/f noise arc correlated double sampling and 
chopper stabilization. 

(5.31) 
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where A0 is the de gain of the opamp and wp, is the (real-axis) dominant pole. At this 
point, it should be mentioned that all the poles and zeros in this chapter occur on the 
real axis and are represented by the notations wP and w,, respectively.6 

Recall that the definition of the unity-gain frequency of an opamp, w,a, is the fre­
quency at which IA(jw,.JI = I. We then have the following approximation, since 
rota>> ffip1: 

. Ao 
IAUw,.)I = I '= (5.32) 

(l)ta/ropl 

Thus, we have the following important relationship for this first-order model: 

w,a '= A0 wp 1 (5.33) 

From here on, we will define w,a to be exactly equal to A0wp 1, which is approximately 
equal to the unity-gain frequency of the opamp (assuming a first-order mode/for the 
opamp).7 Substituting (5.33) into (5.31) for the case in which wp, << w << w,a, we have 
at midband frequencies 

w,. 
A(s) '= -

s 
(5.34) 

This approximate relationship is often used to analyze a closed-loop circuit for 
the effects of the opamp's finite bandwidth at midband frequencies. 

An opamp with feedback can be modelled by the block diagram shown in Fig. 5.5 
[Sedra, 1991]. Here, the feedforward amplifier, A(s), models the open-loop response 
of the opamp. The feedback term, ~ , represenis the feedback factor, which is 
assumed to be frequency independent; this is typically the case for amplifiers, but may 
not be the case for applications such as damped integrators. It can be shown using sig­
nal-flow graph analysis that the closed-loop gain, ACL(S), for this model is given by 

A (s) - A(s) 
CL - I +~A(s) (5.35) 

At midband frequencies, the transfer function of the closed-loop amplifier may be 
found by substituting (5.34) into (5.35), resulting in 

v,,(s) 0--.C· V out (S) 

Fig. 5.5 A block diagram of a feedback circuit. 

6. To be more precise, rop and Olz are the inverses of the coefficients multiplying the S tenns in the denomi­
nators and numerators, respectively. The actual poles and zeros are the negatives of these terms. 
7. The unity-gain frequency of an optimally compensated opamp can be very different from co18 due to 
high-frequency poles and zeros that are ignored in the first-order model, especially when the closed-loop 
configuration has large gain. However, at midband frequencies (5.34) is still valid. 
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w,a 
ACL ( s) = -,--=-­

~ Olta + S 
= 

~(I + s/~w,a) 
(5.36) 

Thus, the closed-loop amplifier has a closed-loop gain at low frequencies approxi­
mately equal to 1 /~ 8 and it has a -3-dB frequency given by 

Ol_3 dB = ~Olla (5.37) 

It will be shown shortly that, for optimally compensated opamps, ~Olta = OJ1, where 
ro1 is the unity-gain frequency of the open-loop transfer function. It will also be shown 
that, for optimally compensated amplifiers, w, is independent of the feedback factor, ~, 
and dependent only on high-frequency poles and zeros. Thus, the -3-dB frequency of 
the closed-loop gain of an optimally compensated amplifier is approximately equal to 
the unity-gain frequency of the loop gain, independent of the actual closed-loop gain. 
However, the component sizes of the compensation network and Olia will be shown to 
depend on the desired closed-loop gain for an optimally compensated amplifier. 

Linear Settling Time 

The settling-time performance of integrated amplifiers is often an important design 
parameter. For example, in switched-capacitor circuits, the charge from one or more 
capacitors must be mostly transferred to a feedback capacitor within about half a 
clock period. This charge transfer is closely related to the opamp's step response. As a 
result, the settling time is defined to be the time it takes for an opamp to reach a spec­
ified percentage of its final value when a step input is applied. 

This settling time consists of two distinct segments-linear and nonlinear settling 
time segments. The linear settling-time portion is due to the finite unity-gain fre­
quency of the opamp, and thus it sets a minimum value for the overall settling time 
independent of the step size of the opamp' s output. In contrast, the nonlinear settling 
time is due to slew-rate limiting, and thus this portion is strongly dependent on the 
output's step size. For example, for small step sizes in the output signal's level, the 
opamp may not reach a slew-rate limit at all, resulting in a nonlinear settling time of 
zero. Here, we discuss only the linear settling time by modelling the opamp as ideal 
but with a finite unity-gain frequency. Another simplification is to use the first-order 
opamp model, which has a 90-degree phase margin. Such a simplification results in a 
simple settling behavior that can be easily analyzed. Thus, the results here are used 
only to estimate the necessary unity-gain frequency for a circuit to settle within the 
linear settling-time segment. Simulations should be used in the latter parts of a design 
to determine more accurate settling-time estimates. 

From (5.36), we recognize that the time constant of the closed-loop amplifier, ,, 
is given by 

8. For inverting configurations, (5.35) should be modified to be AcL(s) = KA(s)/[ I + ~A(s)], and the 
closed-loop gain at low frequencies is given by K/jl But these facts have no effect on the discussions to 
follow regarding optimum compensation because we are primarily interested in the loop gain, which is still 
given by ~A(s). 
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't = = (5.38) 

The important result here is that the -3-dB frequency detennines the settling-time 
response for a step input. Recall that the transient response of any first-order circuit is 
given by 

x(t) = x(=)-[x(=)-x(t)]e 
-1/'r 

(5.39) 

where 't is the time constant of the circuit. For the closed-loop amplifier, the step 
response is found using (5.39) to be given by 

V -t/-c 
V out(t) = step( I - e ) (5.40) 

Here, V step is the size of the voltage step. With this exponential relationship, the time 
required for a first-order circuit to settle to within a specified value can be found. For 
example, if I percent accuracy is required, then one must allow e-t!, to reach 0.01, 
which is achieved at a time of 4.6,. For settling to within a 0.1 percent accuracy, the 
settling time needed becomes approximately 7 't . Also, note that just after the step 
input, the slupe of the output will be at its maximum, given by 

~v (1)1 = vstep (5.41) 
di out 

t = 0 't 

If the slew rate of the opamp is larger than this value, no slew-rate limiting would occur. 

EXAMPLE 5.5 

One phase of a switched-capacitor circuit is shown in Fig. 5.6, where the input 
signal can be modelled as a voltage step. If 0.1 percent accuracy is needed in the 
linear settling-time portion corresponding to 0.1 µs, find the required unity­
gain frequency in terms of the capacitance values, C 1 and C2 • For C2 = IOCt, 
what is the necessary unity-gain frequency of the opamp? What unity-gain fre­
quency is needed in the case in which C 2 = 0.2Ct? 

Solution 
We first note that a capacitive feedback network is used rather than a resistive 
one. A difficulty with this network in a nonswitched circuit is that no bias current 

c, : 

Fig. 5.6 One phase of a switched-capacitor 
circuit. 
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flows into the negative opamp input terminal. However, in a switched circuit 
using a CMOS opamp, this connection shown occurs only for a short time and 
does not cause any problems. Second, note that the feedback factor is simply a 
constant value since it is determined by a capacitive divider consisting of C I and 
C2. 

The feedback factor, p, is given by 

I/(sC 1) C 2 

p ; l/(sC
1

) + I/(sC
2

) ; C
1 
+ C

2 

(5.42) 

Now for 7~ settling within 0.1 µs, we see that~ must be less than 14.2 ns, and, 
since~ ; ll(Pco1.), we see that 

(c1 + c,J( 1 ) 
co,a;,, C

2 
14.2 ns 

(5.43) 

For the case in which C2 ; IOC 1, a unity-gain frequency of 12.3 MHz is 
needed, whereas in the case of C2 ; 0.2C 1, 1,a should be larger than 66.8 MHz. 

Opamp Compensation 

When one is compensating an opamp, the first-order model given by (5.31) is insuffi­
cient. It ignores high-frequency poles and zero"', which cause possible instability, 
even though they may be at frequencies greater than co,. It is important to accurately 
model the open-loop transfer function at higher frequencies where the loop-gain is 
approximately unity. Fortunately, when all poles and zeros are on the real axis, they 
can be modelled reasonably well by a single additional pole. Specifically, we can 
model A(s) by 

Ao 
A(s) ; --------

(! + s/cop 1)(1 + s/coeq) 
(5.44) 

where cop 1 is the first dominant-pole frequency and COeq is the pole frequency that 
models higher-frequency poles. The relationship to approximate COeq given a set of 
real-axis poles, cop,, and zeros, co,,, is given by 

m n 
I I I - = I,--I,-

ffieq ffipi O>zi 
i = 2 i = 1 

(5.45) 

It should be noted here that the approximation in (5.45) is different than that given in 
[Sedra, 1991] since we are mostly interested in the phase shifts, rather than the attenu­
ation, due to higher-frequency poles and zeros. In practice, COeq is found from simula­
tion as the inverse of the frequency at which the transfer function has a -135° phase 
shift (-90° due to the dominant pole and another -45° due to the higher-frequency 
poles and zeros). 
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At frequencies much greater than the dominant pole frequency, co>> co01 , we see 
that 1 + jco/(!)01 = j(l)/(!)01 , and so (5.44) can be accurately approximated by 

(l) 
A(s) = ,a 

s(l + s/ (!)
00

) 
(5.46) 

Note that this approximation result is especially valid at the unity-gain frequency 
of the loop (which we are presently interested in) since, from (5.33), (l)t/(!)

01 
= 

(l/P)A0, which is almost certainly much greater than I. 
When the opamp is included in a circuit that has a feedback factor, p, then, at fre­

quencies around (!)ta• the loop gain, LG(s), is given by 

LG(s) = PA(s) = P(l)ta (5.47) 
s(l +S/(l)0 q) 

The unity-gain frequency, (l)t, of the loop gain, LG(s), can now be found by setting 
the magnitude of (5.47) equal to unity after substituting S = j(l)t· Once this is done 
and the equation is rearranged, one can write, 

(5.48) 

This equation will be used shortly to relate a specified phase margin to the Q factor of 
the closed-loop configuration. 

Note also that from (5.48) we have 

(!)ta = (l)t JI + ( (l)t )2 = rot 
p (l)eq p 

(5.49) 

for the special case in which the unity-gain frequency is much less than the equivalent 
nondominant pole frequency (i.e., (l)t << (l)0 q)· 

The phase margin, PM, is an often-used measure for how far an opamp with feed­
back is from becoming unstable. PM is defined as the difference between the loop­
gain phase shift and-180°. From (5.47), the phase shift, L LG(j(l)), is found as 

LLG(j(l)) = -90°-tan- 1((l)/(l)0 q) (5.50) 

This equation implies that at the unity-gain frequency, s = j(l)t, we have 

PM= LLG(j(l)tl-(-180°) = 90°-tan-1((l)t/(l)eq) 

and, therefore, 

(l)t/(l)9 q = tan(90° - PM) 

which implies that 

(l)t = tan(90° - PM)(l)eq 

(5.51) 

(5.52) 

(5.53) 

Equation (5.52) can be used to derive (l)t/ (l)eq for a specified phase margin. Note that 
the unity-gain frequency of the loop is independent of the feedback factor, P, and 
therefore, in the case of an optimally compensated amplifier, it is independent of the 
closed-loop gain as well. 
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EXAMPLE 5.6 

A closed-loop amplifier is compensated to have a 75° phase margin for ~ I. 
What is w, if leq = Weq/(27t) = 50MHz? What is w,a? 

Solution 
Using (5.53), we have w1 = 0.268Weq• which implies that the loop-gain 
unity-gain frequency, 11 , is given by 11 = w1/21t = 13.4 MHz. Using 
(5.49), we also have, for ~ = I, w,a = w,J1 + 0.268 2 = 1.035w,, which 
implies that 1,a = w,.121t = 13.9 MHz. 

When considering optimum compensation, (5.34) is not accurate enough and one 
must use the more accurate relationship for A(s) given in (5.46). Assuming ~ is fre­
quency independent, substituting (5.44) into (5.35), and rearranging gives 

AcLo 
(5.54) 

where 

(5.55) 

Thus, the closed-loop response near the unity-gain frequency, m1 , is closely approxi­
mated by a second-order transfer function. It should be noted here that this approxi­
mation is inaccurate in the case where the high-frequency poles and zeros are quite 
close to w,. However, in this case, it would be extremely difficult to adequately com­
pensate the opamp, and thus, this case is ignored. 

The result of (5.54) can be equated to the general equation for a second-order all­
pole transfer function, written as 

2 Kw0 H2(s) = -----
s2 + (~)s + w; 

K 

s s' 
1+--+­

WoQ wt 

(5.56) 

Recall that parameter w0 is called the resonant frequency and parameter Q is called 
the Q factor9 [Sedra, 1991]. It is well known that, if Q = Jin = 0.707, then the 
magnitude of the transfer function will have the widest passband without any peak­
ing. Furthermore, for Q = Jin, the -3-dB frequency is equal to w0 . When the 
step response is investigated, restrictions on the Q factor can also be found to guar-

9. The Q factor i.-, 1/2 times the inverse of the damping factor. The damping factor is an alternative method 
of indicating the pole locations in ~econd-order transfer functions. 
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antee no peaking. Specifically, for there to be no peaking in the step response, it is 
necessary that both poles be real, which is equivalent to the requirement that 
Q,,; 0.5. In the case where Q > 0.5, the percentage overshoot of the output voltage 
is given by 

_, 

% overshoot = I OOe )•a' - 1 

Equating (5.54) with (5.56) and solving for co0 and Q results in 

COo = J(I + J3Ao)(cop,coeq) = JJ3co,aCOeq 

and 

Q = J( l + j3A0 )/cop,coeq = Jj3A0 cop, = JJ3co,a 
I/cop,+ l/coeq COeq COeq 

where the approximation of Q is valid since j3A0 >> I and cop,<< COeq· 

(5.57) 

(5.58) 

(5.59) 

It is now possible to relate a specified phase margin to the Q factor. Equation 
(5.52) can be used to find co1/ COeq· This result can be substituted into (5.48) to find 
j3( co,.; C00 q), which can then be substituted into (5.59) to find the equivalent Q factor. 
Finally, (5.57) can be used to find the corresponding percentage overshoot for a step 
input. This procedure gives us the information in Table 5.1. 

Table 5.1 leads to some interesting observations. First, a frequency response with 
Q = Jf72 roughly corresponds to a phase margin of 65°. Therefore, one should 
design for a phase margin of at least 65°, given both process and temperature 
changes. Second, if one wants to ensure that there is no overshoot for a step input, 
then the phase margin should be at least 75°, again, given both process and tempera­
ture variations. Normally, values of 80° to 85° should be the nominal phase margin to 
account for these variations. These phase margins are much larger than what was tra­
ditionally thought to be necessary. 

Finally, it is worth mentioning here that, when the feedback network is frequency 
independent and less than unity, (i.e., when J3,,; 1), the worst-case phase margin 
occurs for J3 = l. Thus, for a general-purpose opamp where O < J3,,; I, if the opamp is 
compensated for J3 = 1, it is guaranteed to be stable for all other J3, although it will 
not be optimally compensated and will be slower than necessary. 

Table 5.1 The relationship between PM, 
and percentage overshoot 

ro1/ roeq, Q factor, 

Percentage 
PM overshoot for a 

(Phase margin) co1/ C00 q Q factor step input 

55° 0. 700 0.925 13.3% 
600 0.580 0.817 8.7% 
65° 0.470 0.717 4.7% 
70° 0.360 0.622 1.4% 
75° 0.270 0.527 0.008% 
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300 300 vout2 

vbias2 

1 

300 

Fig. 5.7 The first two stages of the two-stage opamp, including the compen­
sation network. 

Compensating the Two-Stage Opamp 

It is now possible to consider compensation of the two-stage opamp. To make the dis­
cussion easier to visualize. the first two stages of the opamp, including the compensa­
tion network, are shown in Fig. 5.7. 

The capacitor, Cc, realizes what is commonly called dominant-pole compensa­
tion. It controls the dominant first pole, (i.e., cop 1 ), and thereby the frequency, co,a, 
since (repeating (5.33) here for convenience), 

(5.60) 

Transistor 0 16 has V0816 = 0 since no de bias current flows through it, and 
therefore 0 16 is hard in the triode region. Thus, this transistor operates as a resistor, 
Re, of value given by 

µnCox(~t V eff16 

(5.61) 

This transistor is included in order to realize a left-half-plane zero at frequencies 
around or slightly above co,. Without 0 16 , we have a right-half-plane zero, which 
makes compensation much more difficult. The addition of such an extra left-half-plane 
zero is what is commonly called lead-compensation. It should be noted here that r ds 

indicates the drain-source resistance of 0 16 when it is in the triode region as opposed 
to the finite-output impedance of 0 16 when it is in the active mode. The same notation, 
r ds• is used to indicate the drain-source resistance in both cases-whether the transis-
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v, 
~-----<>------<>--~ ~-...1\./\r--+-----e-------OVaut 

R, R2 

Fig. 5.8 A small-signal model of the two-stage opamp used for compensation analysis. 

tor is in the active or the triode region. One simply has to check which region a tran­
sistor is operating in to ensure that the correct equation is used to determine r ds· 

A simplified small-signal model for this opamp is shown in Fig. 5.8, where the 
output buffer has again been ignored. Also, it is assumed that the first stage is much 
faster than the second stage and can therefore be modelled by a simple voltage­
controlled current source. In the small-signal model, we have 

RI = rds4 II rds2 (5.62) 

C1 = Cdb2 + Cdb4 + C 9,, (5.63) 

R, = rds6 II rds, (5.64) 

c, = Cdb7 + Cdb6 + Cu (5.65) 

Note that if no output buffer is present, then Cu is the output load capacitance. If an 
output buffer is present, then CL, is the load cap;citance introduced by the output 
buffer and C 1 also includes the capacitance needed to drive Q9 in Fig. 5.2. 

To show the need for Re, we first assume Re = 0 and perform nodal analysis at 
the nodes designated by VI and Yout . The following transfer function is obtained: 

where 

and 

Vout 

Vin 
(5.66) =---------

! + sa + s 2 b 

(5.67) 

(5.68) 

It is possible to find approximate equations for the two poles based on the 
assumption that the poles are real and widely separated. 10 This assumption allows us 
to express the denominator, D(s), as 11 

10. If this assumption is not valid, then it is extremely difficult to properly compensate the opamp for unity­
gain stability. 
11. Note that the notation [ I + ( s/ m ) ] implies that the root is in the left half plane if Wx > 0 , whereas 
the root is in the right half plane if w; < 0. 
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2 

D(s) = (1 + ~)(1 + ~) = 1 + ~ + -
5- (5.69) 

cop1 Wp2 rop1 rop1 rop2 

Setting the coefficients of (5.66) equal to the coefficients of (5.69) and solving for 
cop, and cop2 results in the following relationships. The dominant pole, cop 1, is given by 

1 
cop, = -----------------

R, [C, +Cc(!+ 9m 7R2)l + R2(C2 + Cc) 
1 

R,Cc( 1 + 9m7 R2 ) 

1 
- -----

9m,R, R,Cc 

whereas the nondominant pole, cop,, is given by 

9m,Cc 

9m7 = ---c, +C2 

(5.70) 

(5.71) 

Note that, from (5.66), another zero, co,, is located in the right half plane and is 
given by 

-9m7 

Cc 
(5.72) 

This zero should come as no surprise since there are two signal paths having opposite 
signs in the small-signal circuit of Fig. 5.8--one through the voltage-controlled cur­
rent source, 9m7v 1, and the other through the compensation capacitor, Cc. 

From the preceding relationships for COP I and cop,, we can see that, as 9m7 

increases, the separation between the first and second poles increases. This separation 
tends to make the circuit more stable; hence, the use of a Miller capacitance for com­
pensation is often called pole-splitting compensation. Also note that increasing Cc 
moves the dominant pole, cop 1, to a lower frequency without affecting the second 
pole, cop,· This effect also makes the opamp more stable. 

However, a problem arises due to the right-half-plane zero, co,. Because the zero 
is in the right half plane, it introduces negative phase shift, or phase lag, in the transfer 
function of the opamp. This makes stability more difficult. Making Cc larger does 
not help matters because this decreases the frequencies of both the first pole and the 
zero without making them more widely separated. Indeed, because of this right-half­
plane zero, it is often impossible to choose Cc such that the step response has no 
overshoot (assuming Re = 0). Fortunately, all is not lost, since introducing Re 
allows adequate compensation, as we discuss in the next subsection. 

Lead Compensation 

If the small-signal model of Fig. 5.8 is reanalyzed with a nonzero Re, then a third­
order denominator results. The first two poles are still approximately at the frequencies 
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given by (5.70) and (5.71). The third pole is at a high frequency and has almost no 
effects. However, the zero is now determined by the relationship, 

(5.73) 

This result allows the designer a number of possibilities. One could take 

(5.74) 

to eliminate the right-half-plane zero altogether. Alternatively, one could choose Re 
to be even larger and thus move the right-half-plane zero into the left half plane to 
cancel the nondominant pole. w

0
,. Setting (5. 73) equal to (5. 71) and solving for Re 

results in the following equation for Re: 

Re= - 1+---
1 [ c, + c,) 

9m, Cc 
(5.75) 

Unfortunately, C, is often not known a priori, especially when no output stage is 
present. 

The third possibility (recommended by the authors) is to choose Re even 
larger yet to move the now left-half-plane zero to a frequency slightly greater than 
the unity-gain frequency that would result if the lead resistor were not present-say, 
20 percent larger !Roberge, 1975]. For this case, one should satisfy the following 
equation: 

w, = 1.2w, (5.76) 

Assuming Re>> ( 1/gm,l, then w, = 1/(RcCc), and recalling from (5.14) that 
w, = 9m 1/Cc, then one should choose Re according to 

1 
Re= -­

l.2gm, 
(5.77) 

This approach leads to the following design procedure for lead compensation of a 
two-stage CMOS opamp: 

1. Start by choosing, somewhat arbitrarily, Cc = 5 pF. 

2. Using SPICE, find the frequency at which a -125° phase shift exists. Let the 
gain at this frequency be denoted A' . Also, let the frequency be denoted co,. 
This is the frequency that we would like to become the unity-gain frequency 
of the loop gain. 

3. Choose a new Cc so that w, becomes the unity-gain frequency of the loop 
gain, thus resulting in a 55 ° phase margin. (Obtaining this phase margin is 
the reason we chose -125° in step 2.) This can be achieved by taking Cc 
according to the equation 

Cc = CcA' (5.78) 

It might be necessary to iterate on Cc a couple of times using SPICE. 
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4. Choose Re according to 

Re= 
l.2co1Cc 

(5.79) 

This choice will increase the unity-gain frequency by about 20 percent, leav­
ing the zero near to the final resulting unity-gain frequency, which will end up 
about 15 percent below the equivalent second-pole frequency. The resulting 
phase margin is approximately 85 °. 12 This allows a margin of 5 ° to account 
for processing variations without the poles of the closed-loop response becom­
ing real. This choice is also almost optimum lead compensation for almost any 
opamp when a resistor is placed in series with the compensation capacitor. It 
might be necessary to iterate on Re a couple of times to optimize the phase 
margin. However, one should check that the gain continues to steadily 
decrease at frequencies above the new unity-gain frequency; otherwise, the 
transient response can be poor. This situation sometimes occurs when unex­
pected zeros at frequencies only slightly greater than co1 are present. 

5. If, after step 4, or the phase margin is not adequate, then increase Cc while 
leaving Re constant. This will move both co, and the lead zero to lower fre­
quencies while keeping their ratio approximately constant, thus minimizing 
the effects of higher-frequency poles and zeros which, hopefully, do not also 
move to lower frequencies. In most cases, the higher-frequency poles and 
zeros (except for the lead zero) will not move to significantly lower frequen­
cies when Cc is increased. 

6. The final step is to replace Re by a transistOP. The size of the transistor can be 
chosen using equation (5.61), which is repeated here for convenience: 

I 
Re= rdsl6 = -------

µnCox(~),6 Veffl6 

(5.80) 

Finally, SPICE can be used again to fine-tune the device dimensions to opti­
mize the phase margin to that obtained in steps 4 and 5. 

Not only does the procedure just described apply to the two-stage opamp, but it ( or a 
very similar procedure) has been found to be almost optimum for compensating most 
types of opamps. 

EXAMPLE 5.7 

An opamp has an open-loop transfer function given by 

Ao( I + s/ co,) 
A(s) = 

(I +s/coP 1)(1 +s/co2) 
(5.81) 

12. The first pole contributes-90° phase shift, the lead zero contributes approximately 45° phase shift, and 
the equivalent second pole contiguities approximately -40° phase shift. 
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Here, A0 is the de gain of the opamp and co,, co1, and co2 are the frequencies of 
a zero. the dominant pole, and the equivalent second pole, respectively. Assume 
that co2 = 21t x 50 MHz and that A0 = I 04 . 

(a) Assuming co, --> =. find cop I and the unity-gain frequency. co;, so that the 
opamp has a unity-gain phase margin of 55°. 
(b) Assuming co, = l.2co; (where co; is as found in part (a)), what is the new 
unity-gain frequency. co, 0 Also. find the new phase margin. 

Solution 

First, note that at frequencies much greater than the dominant-pole frequency 
(i.e., CO>> cop 1), such as the unity-gain frequency, (5.81) can be approximated 
by 

A0 ( I + s/ co,) 
A(s) ,:c ------­

(s/coP1 )(I+ s/co2) 

(a) For co,-->= we use (5.82) to find the phase angle at co;: 

LA(jco;) = -90°-tan-1(co;/co2 ) 

For a phase margin of PM = 55°. we need 

LA(jco;) = - 180° + PM = -125° 

Setting (5.83) equal to (5.84) and solving for co;/co2 results in 

tan-' (co;/co2 ) = 35° 

=> co; 2.2 x !08 
= 2Jt x 3:S MHz 

Next, setting IA(jco;)I = and again using (5.82) results in 

(b) First, we set 

Ao 

co;Jl + (co;/co2) 2 

Ao 

= I 

= 21t X 4.28 kHz 

(5.82) 

(5.83) 

(5.84) 

(5.85) 

(5.86) 

co, = l.2co; = 21t x 42 MHz (5.87) 

To find the new unity-gain frequency, setting IA(jco1)1 = in (5.82) now gives 

A0 J1 + (co1/co,) 2 

= I 
(co1/cop 1)J1 + (co1/co2 ) 2 

A0coP 1J1 + (co/co,) 2 

=> co, = --'=====-=­
J1 +(co1/co2) 2 

(5.88) 

This equation can be solved for the new unity-gain frequency. Both sides can be 
squared, resulting in a quadratic equation in co1 • which can be solved exactly. 
Alternatively, the value for co; found in part (a) can be used as an initial guess, 
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and (5.88) can be solved iteratively. After four iterations, one finds that 
ro1 = 21t x 46.8 MHz. This unity-gain frequency is a 34 percent increase over 
that found in part (a). We can solve for the new phase shift by using 

LA(jro1) = - 90° +tan_, ( ro/ ro,) - tan -'(ro/ ro2) = -85.0° (5.89) 

Note that this phase value gives a phase margin of 95°, which is a 40° improve­
ment! Normally, the improvement would not be this great due to additional 
high-frequency poles and zeros (which have been ignored here). These high­
frequency poles and zeros will typically degrade the phase margin by an addi­
tional 5° or 10°. Regardless of this degradation, the improvement from using 
lead compensation is substantial. 

Making Compensation Independent of Process and Temperature 

This section shows how lead compensation can be made process and temperature 
insensitive. Repeating equations (5.14) and (5.71) here, we have 

and 

9mt 
ffit = -

Cc 

9m7 
C, +C2 

(5.90) 

(5.91) 

We see here that the second pole is proportional to the transconductance of the drive 
transistor of the second stage, 9m,· Also, the unity-gain frequency is proportional to 
the transconductance of the input transistor of the first stage, 9m 1• Furthermore, the 
ratios of all of the transconductances remain relatively constant over process and tem­
perature variations since the transconductances are all determined by the same biasing 
network. 13 Also, most of the capacitances also track each other since they are prima­
rily determined by gate oxides. Repeating (5.73), when a resistor is used to realize 
lead compensation, the lead zero is at a frequency given by 

-l 
Wz = 

Cc(l/gm,- Re) 
(5.92) 

Thus, if Re can also be made to track the inverse of transconductances, and in par­
ticular I/gm,, then the lead zero will also be proportional to the transconductance 
of Q7• As a result, the lead zero will remain at the same relative frequency with 
respect to ro1 and rop,, as well as all other high-frequency poles and zeros. In other 
words, the lead compensation will be mostly independent of process and tempera-
ture variations. 

13. The ratio µn/µP is relatively constant for a given process (say, a 0.6-µm process) but often varies more 
significantly from process to process (say, from 0.6-µm to 0.4-µm processes). 
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It turns out that Re can be made proportional to I/gm, as long as Re is realized 
by a transistor in the triode region that has an effective gate-source voltage propor­
tional to that of Q 7 . To see this result, recall that Re is actually realized by Q 16, and 
therefore we have 

Re= rds16 = -------­
µnCo,(W /L),6 V e1t16 

Also, 9m, is given by 

9m7 = µnC 0 ,(W/L),V9 117 

Thus, the product Re9m,, which we want to be a constant, is given by 

(W/LhVeff7 
Re9m, = ------

(W /L)1, V e1t1, 

(5.93) 

(5.94) 

(5.95) 

Therefore, all that remains is to ensure that V eff 16/V eff7 is independent of process and 
temperature variations since clearly the remaining terms depend only on a geometric 
relationship. The ratio V effi6/V eff? can be made constant by deriving V Gs 16 from the 
same biasing circuit used to derive V GS?. Specifically, consider the circuit shown in 
Fig. 5.9, which consists of a bias stage, the second stage, and the compensation network 
of the two-stage opamp. First we must make Va = Vb, which is possible by making 
V ettIJ = V 0117 • These two effective gate-source voltages can be made equal by taking 

= (5.96) 
2107 

Squaring and simplifying, we see that the following condition must be satisfied: 

107 (W/L), 
= (5.97) 

1013 (W/L) 13 

However, the ratio 107/1013 is set from the current mirror pair 0 6, 0 11 , resulting in 

a,, 
vbiaso---f 

25 

v, 
25 

Io, (W /L)6 = 
lou (W/L)11 

a, 
300 

C __ t 
vb a, 

Fig. 5.9 The bias circuit, sec­
ond stage, and compensation 
circuit of the two-stage opamp. 

(5.98) 

11 

I 

I 

·r!· 
I, 

11 
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Thus, to make V eff, 3 
ing relationship: 

V eff?, from (5.97) and (5.98), we need to satisfy the follow-

(W/L), (W/L) 13 

(5.99) 

Assuming this condition is satisfied, we have V .,113 = V.m, and therefore we also 
have V 8 = Vb. Since the gates of 0 12 and 0 16 are connected and their source volt­
ages are the same. we also have V .,112 = V e,116 . Next, using these gate-source rela­
tionships and noting that 1012 = 1013 , we can write 

210,1 

veff7 V e1113 ~ µnCox(W /L)13 (W/L) 12 (5.100) = 
V effl6 V e1112 21012 (W /L) 13 

~ µnCox(W /L)12 

Finally, substituting (5.100) into (5.95). we have the product Rc9m?• given by 

(W/L) 7 (W/L) 12 
R 9 -

c m, - (W/L),6 (W/L) 
13 

(5.101) 

which is only dependent on geometry and not on processing or temperature variations. 
As a result, we have guaranteed that the drain-source resistance of a transistor 

in the triode region is inversely matched to the transconductance of a different tran­
sistor. This relationship can be very useful for- many other applications as well. 
Indeed, in the next subsection, we will see that it's quite simple to make all of the 
transconductances of transistors in a microcircuit match the conductance of a sin­
gle off-chip resistor. This approach results in the possibility of on-chip "resistors," 
realized by using triode-region transistors that are accurately ratioed with respect 
to a single off-chip resistor. This relationship can be very useful in modem circuit 
design. 

Biasing an Opamp to Have Stable Transconductances 

We have seen that transistor transconductances are perhaps the most important 
parameters in opamps that must be stabilized. This stabilization can be achieved by 
using a circuit approach first proposed in [Steininger, 1990], in which transistor 
transconductances are matched to the conductance of a resistor. As a result, to a first­
order effect, the transistor transconductances are independent of power-supply volt­
age as well as process and temperature variations. 

The bias circuit is shown in Fig. 5.10. First, it is assumed that (W/L) 10 = 
(W /L) 11 . This equality results in both sides of the circuit having the same current due 
to the current-mirror pair 0 10, 0 11 . As a result, we also must have 1015 1013 . Now, 
around the loop consisting of 0 13, 0 15, and R8 , we have 

(5.102) 
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Fig. 5.10 A bias circuit that gives very predictable and stable 
transistor transconductonces. 

and recalling that V em = V Gs; - V,, we can subtract the threshold voltage, V1, from 
both sides, resulting in 

(5.103) 

This equation can also be written as 

21013 
= (5.104) 

and since I0 13 = I0 15 , we can also write 

= (5.105) 

Rearranging, we obtain 

(5.106) 

and recalling that 9mIJ = J2µnCox(W/L) 131013 results in the important relation­
ship 

[ 
(W/L) 13} 2 I - • 

- (W/L)1s / 
9m1J - Ra (5.107) 

Thus, the transconductance of Q 13 is determined by geometric ratios only, indepen­
dent of power-supply voltages, process parameters, temperature, or any other parame­
ters with large variability. For the special case of (W/L) 15 = 4(W/L) 13 , we have 
simply 
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9mn = 
Rs 

(5. !08) 

Note that, not only is 9ml3 stabilized, but all other transconductances are also sta­
bilized since all transistor currents are derived from the same biasing network, and, 
therefore, the ratios of the currents are mainly dependent on geometry. We thus have, 
for all n-channel transistors. 

9mi = 

and for all p-channel transistors 

9mi = 

(W /L),I 0 , 

(W/L) I X9ml3 
non 

(5.109) 

(5.1 IO) 

It should be noted here that the preceding analysis has ignored many second­
order effects such as the transistor output impedance and the body effect. The body 
effect will modify the equation slightly, but the relationship will still depend primarily 
on geometry alone. The major limitation is due to the transistor output impedance. 
This effect can be made of little consequence by replacing the simple current mirrors 
with cascade mirrors. Although the use of cascade mirrors appears at first glance to 
require large power supplies, in Chapter 6 we will see that by using wide-swing cur­
rent mirrors, this is not necessarily the case. A final limitation is that at high tempera­
tures. the currents and effective gate-source voltages increase substantially to offset 
the mobility degradation and to keep the transconductances stable. In addition, the 
effective gate-source voltages also increase, thereby limiting signal swings more than 
is the case at normal temperatures. Since the carrier mobility is proportional to T-312

, 

this corresponds to a 27-percent reduction from room temperature of (300 °K) to 
JOO 'C ( 373 °K ). Thus, the effective gate-source voltages increase by 27 percent to 
keep the transistor transconductance unchanged, since 

(5.111) 

As long as the effective gate-source voltages have not initially been designed to be too 
large, this limitation is tolerable in most applications. 14 A typical value for effective 
g,a!e-source vohages might be 0.2 V to 0.25 V at room temperature. 
· The bias circuit just presented is an eiarilple of a circuit having positive feed­

back. It is stable as long as the loop gain is less than unity, which is the case when 
(W/L) 15 /(W/L) 13 >I.However, this circuit unfortunately can have a second sta­
ble state where all the currents are zero. To guarantee this condition doesn't happen, 
it is necessary to add a start-up circuit that only affects the operation if all the cur­
rents are zero at start up. Possible start-up circuits will be described in Chapter 6. 

14. Also. if on-chip resi~tors, such as \veil or diffusion resistors, are used. this effect will be somewhat off­
set by their positive temperature-coefficient dependency. 
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Os 1 
300 

13 

o, 
8 

300 300 1-o v,,+ 
11 

Cc 
10 12 

300 500 

7 150 150 

'-----...-----' 
Bias circuitry 

7 03 0, 7 Vss 
'-----...-----' 

Differential-input 

7 Q9 7 .______, 
first stage 

Fig. 5.11 All transistor lengths equal 1.6 µm. 

5.3 SPICE SIMULATION EXAMPLES 

Common-source 
second stage 

Output 
buffer 

In this section, SPICE simulation results are presented for Examples 5.1 and 5.2. 

Simulations of Examples 5.1 and 5.2. 

The circuit for Examples 5.1 and 5.2 is shown in Fig. 5.11. Rb is chosen such that 0 5 
has a de current of 100 µA. The size of 0 16 is selected for proper lead compensation. 

NETLIST: 
vdd 0 de 2.5 
vss 7 0 de -2.5 
m!O 2 2 PMOS W=25um l=l.6um 
mil 3 2 PMOS W=25um l=l.6um 
ml4 2 3 4 7 NMOS W=25um i=l.6um 
ml2 3 3 5 7 NMOS W=25um l=l.6um 
ml5 4 5 6 7 NMOS W=lOOum l=l.6um 
ml3 5 5 7 7 NMOS W=25um l=l.6um 
rb 6 7 8k 
m5 8 2 I PMOS W=300um l=l.6um 
ml IO 9 8 PMOS W=300um i=l.6um 
m2 12 II 8 PMOS W=300um l=l.6um 
m3 10 10 7 7 NMOS w=l50um 1=1.6um 
m4 12 10 7 7 NMOS W=l50um i=l.6um 
vin- 9 0 de 0 
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60 

20 

-rn,~--c-----~---'c--""c---~-~ 
,if .~ .~ .~ ,t ,i ,if 

Frequency [Hl] 

Fig. 5.12 A frequency plot of the two-stage opamp. 

vin+ 11 0 de O ac I 
m6 13 2 I PMOS W=300um l=i.6um 
m8 I 13 14 7 NMOS W=500um l=l.6um 
m7 13 12 7 7 NMOS W=300um l=l.6um 
m9 14 12 7 7 NMOS W=500um l=l.6um 
cc 15 13 5pF 
ml6 15 3 12 7 - NMOS W=IOOum l=i.6um 

.op 

.ac dee 20 0.1 k I OOMeg 

.print vdb(l 4) 

.option post 

.options brief 

.lib " . ./cmos_models" library 

.end 

The frequency plot result is shown in Fig. 5.12, where we see that the de gain is 
67 dB (i.e., 2240 V N). The gain of the opamp is different from the hand-calculation 
result from Example 5.1 because the values for the transistor output impedances in the 
example are rough estimations. The unity-gain frequency is shown to be 25 MHz, 
which corresponds closely to the hand-calculated result since this calculation does not 
depend on poorly modelled variables. 
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S.S PROBLEMS 

Unless otherwise stated, assume the following: 

• n-channel MOS transistors: 

µnCox = 92 µAIV' 
V,n = 0.8 V 
'( = 0.5 yl/2 

rds(Q) = 8,000 L(µm)/I 0(mA)in active region 
CJ= 2.4 x 10-4 pF/(µm) 2 

C -4 
j-sw = 2.0 X IO pF/µm 

C0 , = 1.9 X 10-3 pF/(µm) 2 

Cgs(overlapJ = CgdroverlapJ = 2.0 X 10-
4 

pF/µm 
• p-channel MOS transistors: 

µpCo, = 30 µA/V
2 

V,p = -0.9 V 
'( = 0.8 yl/2 

rd,(Q) = 12,000 L(µm)/I 0(mA) in active region, 
Ci= 4.5 x 10-4 pF/(µm)' 
Cj-sw = 2.5 x 10-

4 
pF/µm 

-3 ' C 0 x = 1.9 X IO pF/(µmr 
Cg,toverlapJ = CgdloverlapJ = 2.0 X 10-

4 
pF/µm 

5.1 Assume that I05 = I 00 µA, all transistor lengths are 1.2 µm, and 
C0 = IO pF. For the two-stage opamp of Fig. 5.2, 

a. Estimate the -3-dB frequency of the first stage. 

b. Estimate the unity-gain frequency of the opamp. 

c. Find the slew rate. 

5.2 Repeat Example 5.3, but let Cc = 4 pF. What circuit changes could be made 
to double the slew rate while keeping m, and Cc unchanged? 

5.3 How should the sizes of Q6 and Q7 change in Problem 5.2 to maintain zero 
systematic offset voltage? 

5.4 Assume 0 3 and 0 4 of the two-stage opamp of Fig. 5.4 are both 50 µm wide, 
all transistor lengths are 1.6 µm, and 105 = 100 µA. Estimate the inherent 
input-offset voltage. 

5.5 Ignoring the body effect, what is the output voltage range of the opamp of 
Fig. 5.2? What is the range of the common-mode input voltage, assuming 
±5 V power supplies are used0 Assume I05 = 100 µA. 
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5.6 Consider the opamp shown in Fig. 5.2, where 0 16 is placed on the output side 
of Cc (rather than where it is shown). Explain why this circuit would then 
oscillate for large positive output values. 

5.7 Repeat Problem 5.5, but take the body effect into account and find approximate 
answers. 

5.8 Consider a system response, H(s), with one dominant pole, other real-axis 
poles, and zeros such that 

A0 xn(1 + ~) co,, 
H(s) = -------=--

( ! + ~)n(1 + ~) 
(l)p l (l)pl 

Also consider another approximating function, Happ(s), given by 

Ao 
Happ(s) = -------

(1 +~xl +~) 
cop] ffieq 

Show that, when H(S) is approximated by Happ(S) such that the phase of the 
two systems are approximately equal at co, of H(s), COeq should be equal to 

_l = 2,-l - 2,-' 
ffieq ffipi (l)zi 

5.9 An opamp has its first pole at 3 kHz and has high-frequency poles at 130 MHz, 
160 MHz, and 180 MHz. Using iteration, find the frequency where the phase 
shift is -135 ° and, therefore, find the equivalent time constant that models the 
high-frequency poles. How does this compare to the estimate given by equa­
tion (5.45)0 

5.10 A two-stage opamp has a compensation capacitor connected between the input 
and the output of the second stage. It has an equivalent second-pole frequency 
of 60 MHz. Assume the input transistors of the first stage have a transconduc­
tance of 0.775 mAN and the gain of the output buffer is exactly unity. What is 
the required size of the compensation capacitor if the phase margin is to be 55° 
for the feedback configuration shown in Fig. P5. IO? 

R2 =50kQ 

R, 
Vin 0--J\J'\r-+---l 

>---<._--0 V out 

Fig. PS.10 
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5.11 For the result of Problem 5.10, what is a near-optimum size for a capacitor to 
be placed in parallel with R2 in order to obtain lead compensation? 

5.12 An opamp has an open-loop transfer function given by 

A 
H(s) = 0 

(]+~xi+~) 
CO I CO2 

Assume A0 = I 04 and co2 = 108 rad/s. A zero, co, , is added such that the 
frequency of the zero is the same as the resulting open-loop unity-gain fre­
quency, co1 • Find co 1 and co, so that the phase margin is 80°. 

5.13 An opamp has an open-loop transfer function given by 

A0( l + s,2 ) 

A(s) = ----
s,1 (l + s,,) 

Find the transfer function of the closed-loop amplifier, assuming a feedback 
factor P exists. Find approximate equations for the resonant frequency and the 
Q factor of the denominator of the transfer function of the closed-loop ampli­
fier. 

5.14 Prove that the frequencies of the first and second poles of the amplifier of 
Fig. 5.2 are still given by (5.70) and (5.71), even when lead compensation is 
used (i.e., when Re is included in Fig. 5.8). 

5.15 Design the bias circuit of Fig. 5. lO to have V ,.it = 0.25 V for all transistors. 
For 0 12 -014 having sizes of lO µm/1.2 µm and 0 15 having a size of 
40 µm/ 1.2 µm, what is the required size of R? What would the effective 
gate-source voltage be at 70 °C? Confirm your answer using SPICE. 
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CHAPTER 

Advanced Current Mirrors 
and Opamps 

The classical two-stage opamp was discussed in Chapter 5. While this two-stage 
opamp has been used in many commercial integrated circuits, recently a number of 
alternate opamp designs have been gaining in popularity and are the topic of this 
chapter. Since many of these opamps make use of more advanced current mirrors, a 
discussion of advanced current mirrors is presented first. Following the current-mirror 
section, the design of two modern opamps having single-ended outputs is presented. 
Next, design principles are discussed for realizing opamps having fully differential 
outputs. Finally, the basics of "current-feedback opamps" are presented, where we see 
that these opamps can have large gain-bandwidth products without the need for 
adjusting the compensation capacitance. 

6. l ADVANCED CURRENT MIRRORS 

Wide-Swing Current Mirrors 

As newer technologies with shorter channel lengths are used, it becomes more diffi­
cult to achieve reasonable opamp gains due to transistor output-impedance degrada­
tion caused by short-channel effects. As a result, designers are often forced to use 
cascade current mirrors. Unfortunately, the use of conventional cascade current mir­
rors limits the signal swings available, which may not be tolerated in certain applica­
tions. Fortunately, circuits exist that do not limit the signal swings as much as the 
current mirrors discussed in Chapter 3. One such circuit is shown in Fig. 6.1 and is 
often called the "wide-swing cascode current mirror" [Sooch, 1985; Babanezhad, 
1987]. 

The basic idea of this current mirror is to bias the drain-source voltages of transis­
tors 0 2 and 0 3 to be close to the minimum possible without them going into the tri­
ode region. Specifically, if the sizes shown in Fig. 6.1 are used, and assuming the 
classical square-law equations for long channel-length devices are valid, transistors 
0 2 and 0 3 will be biased right at the edge of the triode region. Before seeing how 
these bias voltages are created. note that the transistor pair 0 3 , 0 4 acts like a single 
diode-connected transistor in creating the gate-source voltage for 0 3 • These two tran­
sistors operate very similarly to how Q_, alone would operate if its gate were con-

256 
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W/L 
(n + 1 )2 

V out I • lout = Im 

W/L lw;L 

Fig. 6.1 The wide-swing cascode current mirror. 
Ibias typically is set to the nominal or maximum input 
current, Iin· 
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nected to its source. The reason for including Q 4 is to lower the drain-source voltage 
of a, so that it is matched to the drain-source voltage of a,. This matching makes 
the output current, lout, more accurately match the input current, I;n- If 0 4 were not 
included, then the output current would be a little smaller than the input current due to 
the finite output impedances of Q2 and Q3 . Other than this, Q4 has little effect on the 
circuit's operation. 

To determine the bias voltages for this circuit, let V 011 be the effective gate­
source voltage of Q2 and Q3, and assume all of the drain currents are equal. We there­
fore have 

veff = veff2 = veff3 = 
2~, 

(6.1) 

Furthermore, since Q5 has the same drain current but is (n + 1 )' times smaller, we 
have 

V eff5 = (n + I )V eff (6.2) 

Similar reasoning results in the effective gate-source voltages of Q 1 and Q4 being 
given by 

(6.3) 

Thus, 

(6.4) 

Furthermore, 

Vos,= Vos,= VG,-VGSI = vG,-(nV.11+V,n) = veff (6.5) 

This drain-source voltage puts both Q2 and Q3 right at the edge of the triode region. 
Thus, the minimum allowable output voltage is now 

V ou1 > V effl + V 0112 = ( n + I) V eff (6.6) 

A common choice for n might be simply unity, in which case the current mirror oper­
ates correctly as long as 
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Vout > 2Veff (6.7) 

With a typical value of V ett between 0.2 V and 0.25 V, the wide-swing current mirror 
can guarantee that all of the transistors are in the active (i.e., saturation) region even 
when the voltage drop across the mirror is as small as 0.4 V to 0.5 V. 

However, there is one other requirement that must be met to ensure that all tran­
sistors are in the active region. Specifically, we need 

(6.8) 

to guarantee that Q4 is in the active region. To find V 084 , we note that the gate of 
0 3 is connected to the drain of 0 4 , resulting in 

(6.9) 

As a result, one need only ensure that V,n be greater than nV eft for 0 4 to remain in 
the active region-not a difficult requirement. 

It should be noted that this circuit was analyzed assuming the bias current, Ibias, 

equals the input current, Iin· Since, in general, Iin may be a varying current level, 
there is some choice as to what Ibias value should be chosen. One choice is to set I bias 

to the largest expected value for Iin· Such a choice will ensure that none of the devices 
exit their active region, though the drain-source voltage of 0 2 and 0 3 will be larger 
than necessary except when the maximum lin is applied. As a result, some voltage 
swing will be lost. Perhaps the more common choice in a wide-swing opamp is to let 
[bias equal the nominal value of Iin· With this setting, some devices will enter triode 
and the output impedance will be reduced for larger Iin values (say, during slew-rate 
limiting), but such an effect during transient conrutions can often be tolerated. 

Before leaving this circuit, a few design comments are worth mentioning. In most 
applications, an experienced designer would take (W /L) 5 smaller than the size given 
in Fig. 6.1 to bias transistors Q 2 and Q 3 with slightly larger drain-source voltages than 
the minimum required (perhaps 0.1 V to 0.15 V larger). This increase accounts for the 
fact that practical transistors don't have a sharp transition between the triode and active 
regions. This increase would also help offset a second-order effect due to the body 
effect of 0 1 and Q4 , which causes their threshold voltages to increase, which tends to 
push Q 2 and Q 3 more into the triode region. In addition, to save on power dissipation, 
the bias branch consisting of Q5 and [bias might be scaled to have lower currents while 
keeping the same current densities and, therefore, the same effective gate-source volt­
ages. A final common modification is to choose the lengths of Q2 and Q3 just a little 
larger than the minimum allowable gate length (as the drain-source voltage across 
them is quite small), but Q 1 and Q4 would be chosen to have longer gate lengths since 
the output transistor (i.e., 0 1) often has larger voltages across it. A typical size might 
be twice the minimum allowable channel length. This choice of gate lengths helps 
eliminate detrimental short-channel effects, such as the drain-to-substrate leakage cur­
rents of 0 1 that might otherwise result. Minimizing the lengths of Q2 and Q3 maxi­
mizes the frequency response, as their gate-source capacitances are the most 
significant capacitances contributing to high-frequency poles. 

Finally, it should be mentioned that this current mirror is presently becoming the 
most popular CMOS current mirror and is therefore very important in many analog 
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designs besides opamps. The next subsection will show how it can be incorporated 
into the constant 9m bias circuit described in Chapter 5. 

Wide-Swing Constant-Transconductance Bias Circuit 

It is possible to incorporate wide-swing current mirrors into the constant-transconduc­
tance bias circuit described in Chapter 5. This modification greatly minimizes most of 
the detrimentafsecorid-oidei'1mp"errectfons caused by the finite-output impedance of 
the transistors, without greatly restricting signal swings. The complete circuit is 
shown in Fig. 6.2. This circuit is a modifica\ion of th.,_circuit described in Fig 5.10, 
and has both wide-swing current mirrors anct''a start-up circllit} 

The n-channel wide-swing cascode currtnt mirror consists of transistors 0 1-0
4

, 

along with the diode-connected biasing transistor 0 5. The pair 0 3, 0 4 acts similarly to 
a diode-connected transistor at the input side of the mirror. The output current comes 
from 0 1. The gate voltages of cascode transistors 0 1 and 0 4 are derived by the diode­
connected transistor 0 5. The current for this biasing transistor is actually derived from 
the bias loop via 0 10 and 0 11 . 

Similarly, the p-channel wide-swing cascode current mirror is realized by 0 6-09. 

Transistors 0 8 and 0 9 operate as a diode-connected transistor at the input side of the 
mirror. The current-mirror output current is the drain current of 0 6. The cascade tran­
sistors 0 6 and 0 9 have gate voltages derived from diode-connected 0 14, which has a 
bias current derived from the bias loop via 0 12 and 0 13 . 

,-----------0 vbias-p 

vcasc-p 

Small W/L 

,/ 
QJB 

015 

R8 5 kn 
~-----------+--------0 Vb1as-<1 

'--.----' '--.----' 
Bias loop Cascade bias Start-up circuitry 

Fig. 6.2 A constant-transconductance bias circuit having wide-swing cascode current 
mirrors. 
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The bias loop does have the problem that at start-up it is possible for the current 
to be zero in all transistors, and the circuit will remain in this stable state forever. To 
ensure this condition does not happen, it is necessary to include start-up circuitry that 
affects only the bias-loop in the case that all currents in the loop are zero. An exam­
ple of a start-up circuit consisting of transistors 0 15, 0 16, 0 17, and 0 18 is also shown 
in Fig. 6.2. In the event that all currents in the bias loop are zero, 0 17 will be off. 
Since 0 18 operates as a high-impedance load that is always on, the gates of 0 15 and 
0 16 will be pulled high. These transistors then will inject currents into the bias loop, 
which will start up the circuit. Once the loop starts up, 0 17 will come on, sinking all 
of the current from 0 18, pulling the gates of 0 15 and 0 16 low, and thereby turning 
them off so they no longer affect the bias loop. This circuit is only one example of a 
start-up loop, and there are many other variations. For example, sometimes the p­
channel transistor, 0 18 , is replaced by an actual resistor (perhaps realized using a 
well resistor). 

It is of interest to note that the bias circuit shown consists of four different 
loops-the main loop with positive feedback, the start-up loop that eventually gets 
disabled, and the two loops used for establishing the bias voltages for the cascode 
transistors. These latter two loops also constitute positive feedback but with very little 
gain. 

Shown next to each transistor are reasonable W/L dimensions (in µm) of a possi­
ble realization that had its operation experimentally verified (it was realized in a 
0.8-µm technology). Because this circuit allowed for accurately predictable transcon­
ductances, it also allows the performance of the realized opamp to be accurately pre­
dicted using moderately simple equations prior to relilization. 

Enhanced Output-Impedance Current Mirrors 

Another variation on the cascode current mirror is often referred to as the enhanced 
output-impedance current mirror. A simplified form of this circuit is shown in 
Fig. 6.3, and it is used to increase the output impedance. The basic idea is to use a 
feedback amplifier to keep the drain-source voltage across 0 2 as stable as possible, 
irrespective of the output voltage. The addition of this amplifier ideally increases the 

I Io"t 

--, 1+ ·~-. \. 
Vbias 

vout,_, 

-:11-+---------U:-- 0 2 Fig. 6.3 The enhanced output-impedance cur­
rent mirror. 
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output impedance by a factor equal to one plus the loop gain over that which would 
occur for a classical cascade current mirror. Specifically, using the results from 
Chapter 3, 

(6.10) 

In practice, the output impedance might be limited by a paras1t1c conductance 
between the drain of 0 1 and its substrate due to short-channel effects. This parasitic 
conductance is a result of collisions between highly energized electrons resulting in 
electron-hole pairs to be generated with the holes escaping to the substrate. The gener­
ation of these electron-hole pairs is commonly called_y,w,gcUonizatiQtJ.. 

It should be mentioned that the technique just described for output-impedance 
enhancement is not useful when bipolar transistors are used due to the finite base cur­
rent of the transistors (see Problem 6.8). 

EXAMPLE 6.1 

Assume an amplifier, A(S), has a transfer function given by 

A A 
A(s) = o ' = _o 

1 + S't 1 s,' 1 

(6.11) 

around its unity-gain frequency. Find approximate equations for any additional 
poles and/or zeros introduced by the gain enhancement circuit that are signifi­
cant around the unity-gain frequency of the i:ommon-source amplifier shown in 
Fig. 6.4. Assume the gain of the common-source stage is given by 

V0 ,,(S) ( 1 ) 
Av(S) = -V-- = -9m2 R0 ,,(s) 11-C 

;n(S) S L 

where R0 , 1 is now a function of frequency and given by 

Ro,,(S) = 9m1rdS1rds20 +A(S)) 

vbias 

I 
CL 

Fig. 6.4 A common-source amplifier with output­
impedance enhancement. 

(6.12) 

(6.13) 
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Solution 
Note that at high frequencies, it is not possible to assume that IA(jco)I >> I. 
Working with conductances, we have 

I 
Gau1(S) = R ( ) = 

out S gm 1(1 + A(s)) 

which can be inserted into (6.12) giving 

Ay(S) = -gm, 
sCL + G0 u1(S) 

-gm, 
=--------

5 C + _...:g...:d.:.'c...' g:...d:.:•.:.2_ 
L gm,(l+A(s)) 

-gm,(]+ A(s)) 
= 

sCL(l + A(s)) + gdstgd,2 
gm, 

Substituting (6.11) into (6.15) and rearranging gives 

-gm,(Ao + st;) 
Av(S) = , 

(A C gdslgds2•1 C ') 
S oL+ +SL'J 

gml 

(6.14) 

(6.15) 

(6.16) 

From (6.16), we see that there is a left-hand-plane zero at a frequency given 
by 

(0 -
z - ,:' 

1 

(6.17) 

which is the approximate unity-gain frequency of the amplifier, A(s). Also, 
there are two poles, but the pole at de is not accurate since we have made use of 
approximate equations that are valid only near the unity-gain frequency of the 
amplifier. However, the other pole location is a good approximation and it 
occurs in the left-half-plane given by (after some rearranging) 

A0 I 
= -+--i:; CL R' 

(6.18) 

Here, we have defined 

(6.19) 

which is approximately the output impedance of the cascode mirror without 
enhancement and is quite a large value. Furthermore, note that the term A0 / t; 
is a value near the unity-gain frequency of the amplifier, and therefore, typically 
the first term in (6.18) dominates. Thus, the added pole frequency is approxi­
mately given by 

Ao 
co' P, - t; - z (6.20) 

275 of 720



6. 1 Advanced Current Mirrors 263 

Therefore, like the new zero, the new pole also occurs around the unity-gain fre­
quency of the amplifier, and their effects mostly cancel each other out. In addition, 
if the unity-gain frequency of the enhancement loop is greater than the unity-gain 
frequency of the opamp, the frequency response of the enhancement amplifier 
shouldn't have a large detrimental effect on the overall frequency response. 

The enhanced output-impedance current mirror appears to have been originally 
proposed in [Hosticka, 1979] for single-ended input amplifiers and more recently 
described almost simultaneously in [Bult, 1990] and [Siick:inger, 1990] for differential­
input amplifiers. Bult proposed that complete opamps be used for each current mirror. 
In a modern fully differential opamp, this might increase the number of opamps by 
four, although these extra opamps can be scaled to have less power dissipation. The 
implementation proposed by Siick:inger is shown in Fig. 6.5. The feedback amplifier in 
this case is realized by the common-source amplifier consisting of 0 3 and its current 
source Is,- Assuming the output impedance of current source Is, is approximately 
equal to r ds3, the loop gain will be ( 9m, r dsi)/2, and the final ideal output impedance 
will be given by 

rout -
9m I 9m3r dsl r ds2r ds3 

2 
(6.21) 

The circuit consisting of 0 4, 0 5 , 0 6, I;,, and Is, operates almost identically to a 
diode-connected transistor, but is used instead to guarantee that all transistor bias volt­
ages are accurately matched to those of the output circuitry consisting of 0 1, 0 2, 0 3, 

and Is 1 • As a result, lout will very accurately match I;,. 
The Siick:inger realization is much simpler than that proposed by Bult, but has a 

major limitation in that the signal swing is significantly reduced. This reduction is a 
result of 0 2 and 0 5 being biased to have drain-source voltages much larger than the 
minimum required. Specifically, their drain-source voltages are given by 

(6.22) 

rather than the minimum required, which would be equal to V eff2· This limitation is 
especially harmful for modern technologies operating with power supply voltages of 

Is, Is, 
I Io,, 

1+ 

o, 
a. o, 

....JJ-.._---------JL.... O, Fig. 6.5 The Siickinger implementation of the 
enhanced output-impedance current mirror. 
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3.3 V or lower. In the next subsection, an alternative realization is described that com­
bines the wide-swing current mirror with the enhanced output-impedance circuit. 

Wide-Swing Current Mirror with Enhanced Output Impedance 

This current mirror was originally described in [Gatti, 1990) for use in current-mode 
continuous-time filters and was then used in the design of wide-signal-swing opamps 
[Caban, 1994; Martin, 1994). It is very similar to the enhanced output-impedance cur­
rent mirrors of [Siickinger, 1990), except that diode-connected transistors used as 
level shifters have been added in front of the common-source enhancement amplifi­
ers, as shown in Fig. 6.6. At the output side, the level shifter is the diode-connected 
transistor, 0 4, biased with current Ibias· The circuitry at the input basically acts as a 
diode-connected transistor while ensuring that all bias voltages are matched to the 
output circuitry so that lout accurately matches I;n- Shown next to each transistor is a 
reasonable width in µm. Note that for the case in which 

(6.23) 

all transistors are biased with nearly the same current density, except for 0 3 and 0 7. 

As a result, all transistors have the same effective gate-source voltages, V eff• except 
for 0 3 and Q7 , which have gate-source voltages of 2Veff because they are biased at 
four times the current density. Thus, we find that the gate voltage of 0 3 equals 

VGJ = 2V 0 "+V,n 

and the drain-source voltage of 0 2 is given by 

Vos,= Vs.= VGJ-VGS4 = (2V.ff+V,nl-(V.ff+V,n) = v.ff 

(6.24) 

(6.25) 

Therefore, 0 2 is biased on the edge of the triode region and the minimum output volt­
age is given by 

(6.26) 

Fig. 6.6 A wide-swing current mirror with enhanced output impedance. Current source 
7Ibias is typically set to the nominal or maximum input current, Iin· 
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With the shown values for the W/L ratios, the power dissipation would be almost 
doubled over that of a classical cascade current mirror, assuming Ibias is set to one­
seventh the nominal or maximum input current value, Iin· However, it is possible to 
bias the enhancement circuitry at lower densities and thereby save on power dissipa­
tion, albeit at the expense of speed, as the additional poles introduced by the enhance­
ment circuitry would then be at lower frequencies. 

A slightly modified version of the wide-swing enhanced output-impedance mir­
ror is shown in Fig. 6.7. This variation obtains the bias voltage of the cascade tran­
sistor of the input diode-connected branch from the bias-generation circuitry of 
Fig. 6.2. This circuit suffers slightly with regard to large-signal de matching, but 
has less power dissipation and area than the circuit of Fig. 6.6. Notice also that 0 2 

of Fig. 6.6 has now been separated into two transistors, Q 2 and Q 5 , in Fig. 6.7. 
This change allows one to design an opamp without the output-impedance enhance­
ment, but with wide-swing mirrors. Then, when output-impedance enhancement is 
desired, one simply includes the appropriate enhancement amplifiers and the only 
change required to the original amplifier is to connect the gates of the output cas­
cade mirrors of the appropriate current mirrors to the enhancement amplifiers rather 
than the bias-generation circuit. Finally, it has been found through simulation that 
the modified circuit of Fig. 6.7 is less prone to instability than the circuit of Fig. 6.6. 

It is predicted that this current mirror will become more important as the newer 
technologies force designers to use smaller power-supply voltages, which limit volt­
age swings. Also, the short-channel effects of newer technologies make the use of 
current mirrors with enhanced output impedance more desirable. 

There are a couple of facts that designers shoulcfbe aware of when they use output­
impedance enhancement. The first fact is that sometimes it may be necessary to add 
local compensation capacitors to the enhancement loops to prevent ringing during tran­
sients. The second fact is that the inclusion of output-impedance enhancement can sub­
stantially slow down the settling times for large-signal transients. This is because during 
large-signal transients, the outputs of the enhancement loops can slew to voltages very 
different from those required after settling, and it can take a while for the outputs to 

I 
I lout = l;n 

4Ibias 't' 

V casc-n 

70 

Fig. 6.7 A modified wide-swing current mirror with enhanced 
output impedance. 
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1:K 

(a) (b) 

Fig. 6.8 la) A symbol representing a current mirror. lb) 
Example of a simple current mirror. 

return to the necessary voltages. A typical settling-time difference might be around a 
50-percent increase. Whether this is worth the substantial increase in gain (perhaps as 
much as 30 dB or so) depends on the individual application. 

Current-Mirror Symbol 

It should now be clear that there are a number of different current-mirror circuits, each 
having various advantages and disadvantages, that can be used in a particular circuit 
application. Thus, from an architectural perspective, it is often desirable to describe a 
circuit without showing which particular current mirror is used. In these cases, we 
make use of the current-mirror symbol shown in Fig. 6.8(a). The arrow is on the input 
side of the mirror. which is the low-impedance side (with an impedance typically 
equal to 1 /gm). The arrow also designates the direction of current flow on the input 
side. The ratio, I: K, represents the current gairr of the mirror. For example, the cur­
rent mirror shown in Fig. 6.8(a) might be realized by the simple current mirror shown 
in Fig. 6.8(b). Finally, it should be mentioned that for illustrative purposes, some cir­
cuits in this book will be shown with a particular current mirror (such as the wide­
swing mirror) to realize a circuit architecture. However, it should be kept in mind that 
similar circuits using almost any of the current mirrors just described ( or described 
elsewhere) are possible. 

6.2 FOLDED-CASCODE OPAMP 

Many modem integrated CMOS opamps are designed to drive only capacitive loads. 
With such capacitive-only loads, it is not necessary to use a voltage buffer to obtain a 
low output impedance for the opamp. As a result, it is possible to realize opamps 
having higher speeds and larger signal swings than those that must also drive resis­
tive loads. These improvements are obtained by having only a single high-impedance 
node at the output of an opamp that drives only capacitive loads. The admittance 
seen at all other nodes in these opamps is on the order of a transistor's transconduc­
tance, and thus they have relatively low impedance. By having all internal nodes of 
relatively low impedance, the speed of the opamp is maximized. It should also be 
mentioned that these low node impedances result in reduced voltage signals at all 
nodes other than the output node; however, the current signals in the various transis-
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tors can be quite large. 1 With these opamps, we shall see that the compensation is 
usually achieved by the load capacitance. Thus, as the load capacitance gets larger, 
the opamp usually becomes more stable but also slower. One of the most important 
parameters of these modern opamps is their transconductance value (i.e., the ratio of 
the output current to the input voltage). Therefore, some designers refer to these 
modem opamps as transconductance opamps, or Operational Transconductance 
Amplifiers (OT As). 

An example of an opamp with a high-output impedance is the folded-cascade 
opamp, as shown in Fig. 6.9. The design shown is a differential-input single-ended out­
put design. Note that all current mirrors in the circuit are wide-swing cascade current 
mirrors, discussed previously. The use of these mirrors results in high-output imped­
ance for the mirrors ( compared to simple current mirrors), thereby maximizing the de 
gain of the opamp. The basic idea of the folded-case ode opamp is to apply cascade tran­
sistors to the input differential pair but using transistors opposite in type from those 
used in the input stage. For example, the differential-pair transistors consisting of 0 1 

and Q2 are n-channel transistors in Fig. 6.9, whereas the cascade transistors consisting 
of 0 5 and 0 6 are p-channel transistors. This arrangement of opposite-type transistors 
allows the output of this single gain-stage amplifier to be taken at the same bias-voltage 
levels as the input signals. It should be mentioned that even though a folded-cascade 
amplifier is basically a single gain stage, its gain can be quite reasonable, on the order 
of 700 to 3,000. Such a high gain occurs because the gain is determined by the product 

o, o. 

o, o. 

<>--j o, 02 

Vin 
+ Jc, 

lbias2 

Vs2o-l 
07 

Fig. 6.9 A folded-cascode opamp. 

1. Because of their reduced voltage signals but large current signals. these types of opamps are sometimes 
referred to as currenr-mode opamps. 

vout 

1: 
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of the input transconductance and the output impedance, and the output impedance is 
quite high due to the use of cascade techniques. 

The shown differential-to-single-ended conversion is realized by the wide-swing 
current mirror composed of 0 7, 0 8, O.,, and 0 10. In a differential-output design, these 
might be replaced by two wide-swing cascade current sinks, and common-mode feed­
back circuitry would be added, as is discussed in a later section in this chapter. 

It should be mentioned that a simplified bias network is shown so as not to com­
plicate matters unnecessarily when the intent is to show the basic architecture. In prac­
tical realizations, 0 11 and Ib;asJ might be replaced by the constant-transconductance 
bias network of Fig. 6.2. In this case, V 8 1 and V 82 would be connected to V casc-p and 
V casc-n• respectively, of Fig. 6.2 to maximize the output voltage signal swing. 

An important addition of the folded-cascade opamp shown is the inclusion of two 
extra transistors, 0 12 and 0 13 . These two transistors serve two purposes. One is to 
increase the slew-rate performance of the opamp, as will be discussed in Example 6.2. 
However, more importantly, during times of slew-rate limiting, these transistors pre­
vent the drain voltages of O I and 0 2 from having large transients where they change 
from their small-signal voltages to voltages very close to the negative power-supply 
voltage. Thus the inclusion of 0 12 and OIJ allows the opamp to recover more quickly 
following a slew-rate condition. 

The compensation is realized by the load capacitor, CL, and realizes dominant­
pole compensation. In applications where the load capacitance is very small, it is nec­
essary to add additional compensation capacitance in parallel with the load to guarantee 
stability. If lead compensation is desired, a resistor can be placed in series with CL. 
While lead compensation may not be possible in some applications, such as when the 
compensation capacitance is mostly supplied by the load capacitance, it is more often 
possible than many designers realize (i.e., it is often possible to include a resistor in 
series with the load capacitance). 

The bias currents for the input differential-pair transistors are equal to Ib;a,2/2. 
The bias current of one of the p-channel cascade transistors, 0 5 or 0 6, and hence the 
transistors in the output-summing current mirror as well, is equal to the drain current 
of 0 3 or 0 4 minus Ib;a,212. This drain current is established by Ib;asJ and the ratio of 
(W/L),, or (W/L)4 , to (W/L) 11 • Since the bias current of one of the cascade tran­
sistors is derived by a current subtraction, for it to be accurately established, it is nec­
essary that both Ib;a,, and Ib;as, be derived from a single-bias network. In addition, 
any current mirrors used in deriving these currents should be composed of transistors 
realized as parallel combinations of unit-size transistors. This approach eliminates 
inaccuracies due to second-order effects caused by transistors having non-equal 
widths. 

Small-Signal Analysis 

In a small-signal analysis of the folded-cascade amplifier, it is assumed that the differ­
ential output current from the drains of the differential pair, o,, o,, is applied to the 
load capacitance, CL. Specifically, the small-signal current from 0 1 passes directly 
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6.2 Folded.Cascode Opamp 269 

from the source to the drain of Q6 and thus CL, while the current from Q 2 goes indi­
rectly through Q5 and the current mirror consisting of 0 7 to 0 1/. Although these two 
paths have slightly different transfer functions due to the poles caused by the current 
mirror, when an n-channel transistor current mirror is used, a pole-zero doublet 
occurs at frequencies quite a bit greater than the opamp unity-gain frequency and can 
usually be ignored. Hence, ignoring high-frequency poles and zero, the approximate 
small-signal transfer function for the folded-cascade opamp is given by 

V0 , 1(S) 
Av = = 9m,ZL(s) 

v,,(s) 
(6.27) 

Here, 9m 1 is the transconductance of each of the transistors in the input differential 
pair and ZL ( s) is the impedance to ground seen at the output node. This impedance 
consists of the parallel combination of the output load capacitance, the impedance of 
any additional network added for stability, and the output impedance of the opamp 
(i.e., looking into the drains of Q6 and Q 8 ). Thus, when the compensation is realized 
by the output capacitance only, we have 

A 
_ 9m1rout 

V -
1 + sr0 ,,CL 

(6.28) 

where r 0 ,, is the output impedance of the opamp. This impedance is quite high, on 
the order of gmr~s/2 or greater if output-impedance enhancement is used. 

For mid-band and high frequencies, the load capacitance dominates, and we can 
ignore the unity term in the denominator and thus ~ave 

Av = 9m1 
sCL 

from which the unity-gain frequency of the opamp is found to be 

9m1 
Olt = -

CL 

(6.29) 

(6.30) 

Therefore, for large load capacitances, maximizing the transconductance of the 
input transistors maximizes the bandwidth, assuming the load capacitance is large 
enough so that the unity-gain frequency is much less than the limit imposed by the 
second poles. The transconductance of the input transistors is maximized by using 
wide n- channel devices and ensuring that the input transistor pair's bias current is 
substantially larger than the bias current of the cascade transistors and current mirror. 
Note that this approach also maximizes the de gain (i.e., 9m, r 0 "') since not only does 
it maximize 9mi, but it also maximizes rout by resulting in a11 transistors connected to 
the output node being biased at lower current levels (for a given total power dissipa­
tion). A practical upper limit on the ratio of the bias currents of the input transistors to 
the currents of the cascade transistors might be around four or so. If too high a ratio is 
used, the bias currents of the cascade transistors cannot be well established since they 

2. This is based on the assumption that 9m 5 and 9m6 are much larger than 9ds 3 and 9dS4· 
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Slew Rate 

are derived by current subtractions. Another advantage of having very large transcon­
ductances for the input devices is that the thermal noise due to this input pair is 
reduced. Thus, since much of the bias current in folded-cascade opamps flows 
through the input differential pair, these opamps often have a better thermal noise per­
formance than other opamp designs having the same power dissipation. 

When the load is a series combination of a compensation capacitance, CL, and a 
lead resistance, Re, the small-signal transfer function is given by 

Av= 
9m1 ---'------'-------- = 

1 
-+-----
rout Re+ 1/sCL 

(6.31) 

where the approximate term is valid at mid and high frequencies. Here we see that, as 
in Chapter 5, Re can be chosen to place a zero at 1.2 times the unity-gain frequency. 

The second poles of this opamp are primarily due to the time constants introduced 
by the impedance and parasitic capacitances at the sources of the p-channel cascade 
transistors, 0 5 and 0 6 . The impedances at these nodes is one over the transconduc­
tances of the cascade transistors. 3 Since p-channel transistors are used here, possibly 
biased at lower currents, these impedances are typically substantially greater than the 
source impedances of most n-channel transistors in the signal path. As a consequence, 
when high-frequency operation is important, these impedances can be reduced by 
making the currents in the p-channel cascade transistors around the same level as the 
bias currents of the input transistors. The parasitic capacitance at the sources of the 
cascade transistors is primarily due to the gat.;-source capacitances of the cascode 
t(ansistors as well as the drain-to-bulk and drain-to-gate capacitances of the input 
transistors and the current-source transistors 0 3 and 0 4 . Therefore, minimizing junc­
tion areas and peripheries at these two nodes is important. 

The diode-connected transistors, 0 12 and O ll • are turned off during normal operation 
and have almost no effect on the opamp. However, they substantially improve the 
operation during times of slew-rate limiting [Law, 1983]. To appreciate their benefit, 
consider first what happens during times of slew-rate limiting when they are not 
present. Assume there is a large differential input voltage that causes 0 1 to be turned 
on hard and 0 2 to be turned off. Since 0 2 is off, all of the bias current of 0 4 will be 
directed through the cascade transistor 0 5, through the n-channel current mirror, and 
out of the load capacitance. Thus, the output voltage will decrease linearly with a 
slew-rate given by 

3. This is true only at high frequencies, where the ou1put impedance of the amplifier is small due to the load 
and/or compensation capacitance. This is the case of interest here. At low frequencies, the impedance look­
ing into the source of 0 6 is given by R56 = 1 /gm 6 + RL/(9mordso), where RL is the resistance seen 
looking out the drain of 0 6 . 
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SR = Io• 
CL 

(6.32) 

Also, since all of Ib;a,2 is being diverted through 0 1, and since this current is usually 
designed to be greater than I03 , both 0 1 and the current source Ib;a,2 will go into the 
triode region, causing Ib;a,2 to decrease until it is equal to I03 . As a result, the drain 
voltage of Q 1 approaches that of the negative power-supply voltage. When the opamp 
is coming out of slew-rate limiting, the drain voltage of 0 1 must slew back to a volt­
age close to the positive power supply before the opamp operates in its linear region 
again. This additional slewing time greatly increases the distortion and also increases 
the transient times during slew-rate limiting (which occurs often for opamps used in 
switched-capacitor applications). 

Next, consider the case where the diode-connected transistors, 0 12 and 0 13, are 
included. Their main purpose is to clamp the drain voltages of 0 1 or 0 2 so they 
don't change as much during slew-rate limiting. A second, more subtle effect dynam­
ically increases the bias currents of both 0 3 and 0 4 during times of slew-rate limiting. 
This increased bias current results in a larger maximum current available for charging 
or discharging the load capacitance. To see this increase in bias current, consider a 
case similar to the one just described, where a large differential input causes Q 1 to be 
fully on while 0 2 is off. In this case, the diode-connected transistor 0 12 conducts 
with the current through 0 12 coming from the diode-connected transistor 0 11 . Thus, 
the current in Q 11 increases, causing the currents in bias transistors Q3 and Q4 to also 
increase, until the sum of the currents of 0 12 and 0 3 are equal to the bias current 
Ib;asz· Note that the current in 0 4 also increases siuce it is equal to the current in 0 3. 

This increase in bias current of 0 4 results in an increase of the maximum current 
available for discharging CL. In summary, not only are the voltage excursions less, 
but the maximum available current for charging or discharging the load capacitance is 
also greater during times of slew-rate limiting. 

EXAMPLE 6.2 

Find reasonable transistor sizes for the folded-cascade opamp shown in Fig. 6.9 
to satisfy the following design parameters. Also find the unity-gain frequency 
and slew rate, both without and with the clamp transistors. What would be area­
sonable size for a compensation resistor in series with CL, if lead compensation 
were desired? 

• Assume ±2.5-V power supplies are used and limit the power dissipation of 
the opamp to 2 mW. 

• Set the ratio of the current in the input transistors to that of the cascade transis­
tors to be 4:1. Also, set the bias current of011 to be I/30th that ofQ3 (or 0 4) 

such that its current can be ignored in the power dissipation calculation. 

• The maximum transistor width should be 300 µm and channel lengths of 
1.6 µm should be used in all transistors. 
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• All transistors should have effective gate-source voltages of around 0.25 V 
except for the input transistors, whose widths should be set to the maximum 
value of 300 µm. Also, round all transistor widths to the closest multiple of 
IO µm, keeping in mind that if a larger transistor is to be matched to a smaller 
one, the larger transistor should be built as a parallel combination of smaller 
transistors. 

• Finally, assume the load capacitance is given by C, = IO pF, and that 
µnCox = 3µpCo, = 96 µA/V

2
. 

Solution 
The total current in the opamp, I,otal , excluding the current in the bias network, 
is equal to I03 + I04 , which is equal to 2(1 01 + I06). Defining Is = I 05 = I06 
and noting that we are asked to make I01 = 4I06 , we have 

I,otal = 2(lo, + Io,) = 2( 4Is + Is) = IO Is 

Since the power dissipation is specified to be 2 mW, we have 

I,otal P dlss/5 V 
Is = 105 = 106 = 10 = --

10
-- = 40 µA 

(6.33) 

(6.34) 

This bias current for Is implies that !03 = 104 = 5I05 = 200 µA, and 101 = 
102 = 4I05 = 160 µA. Now, we let all transistor channel lengths be 1.6 µm. 
This choice allows us to immediately determine the sizes ofmoSt transistors using 

-
(WJ 2101 

L i = µiCox V~m 
(6.35) 

and then round to the closest multiple of IO in transistor widths. When the 
widths found were larger than 300 µm, they were limited to 300 µm. 
Table 6.1 lists reasonable values for the resulting dimensions of all transistors. 
Note that the larger widths are exactly divisible by the smaller widths of a tran­
sistor of the same type and thus allows larger transistors to be realized as a par­
allel combination of smaller transistors. The width of O 11 was determined from 
the requirement that 1011 = 103/30 = 6.6 µA. The widths of 0 12 and 0 13 
were somewhat arbitrarily chosen to equal the width of 0 11 . Note that, as 
requested, the widths of the input transistors were set to a value of 300 µm to 
maximize their transconductance. The transconductance of the input transistors 

Table 6.1 The transistor dimensions (in µm) of 
the opamp of Fig. 6. 9. 

o, 300/1.6 
o, 300/1.6 
o, 300/1.6 
o; 30011.6 
o, 60/1.6 

o, 60/1.6 011 
o, 20/1.6 012 
o, 20/1 .6 013 
o, 20/1.6 
010 20/1 .6 

10/1.6 
10/1.6 
10/1.6 
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is given by 

9m1 = J2Io1µnC 0 ,(W/L)1 = 2.4 mA/V 

The unity-gain frequency of the opamp is given by 

9m1 s 
ffi1 = - = 2.4x!O rad/s => 11 = 38 MHz 

CL 

A reasonable size for the lead resistor, Re, in series with CL, is given by 

1 
= -- = 347 n 

l.2gml 

The slew rate without the clamp transistors is given by 

lo4 
SR = - = 20 V/µs 

CL 

(6.36) 

(6.37) 

(6.38) 

(6.39) 

When the clamp transistors are included, during slew-rate limiting, we have 

(6.40) 

But 

(6.41) 

and 

I011 = 6.6 µA+ I012 (6.42) 

Substituting (6.41) and (6.42) into (6.40) and solving for 1011 gives 

I _ lb;a,2 + 6.6 µA 
Oil -

31 
(6.43) 

which implies that the value of I011 during slew-rate limiting equals 10.53 µA 
and Io3 = 104 = 30Ion = 0.32 mA, which is substantially larger than the 
slew current available without the clamp transistors. This larger bias current will 
give a slew-rate value of 

SR 
!04 = - = 32 V/µs 
CL 

(6.44) 

More importantly, the time it takes to recover from slew-rate limiting will be 
substantially decreased. 

6.3 CURRENT-MIRROR OPAMP 

Another popular opamp often used when driving on-chip capacitive-only loads is 
shown in simplified form in Fig. 6.10. It is immediately seen that all nodes are low 
impedance except for the output node. By using good current mirrors having high 
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1:K 

t Kl01 

1: 1 

Vout 

02 Klo2 + IC, 
1 :K 

lb 

Fig. 6.10 A simplified current-mirror opamp. 

output impedance, a reasonable overall gain can be achieved. A more detailed exam­
ple of a current-mirror opamp is shown in Fig. 6.11. 

The overall transfer function of this opamp will closely approximate a single­
pole operation. In a similar analysis to that given for the folded-cascode opamp, we 
have 

K9m1rout 

1 +sroutCL 
~ (6.45) 

The K factor is the current gain from the input transistors to the output sides of the 
current mirrors connected to the output node. Using (6.45), we can solve for the unity­
gain frequency, resulting in 

lb 

1014 = Kl1 = Klb/2 

Fig.- 6.11 A current-mirror opamp with wide-swing cascode current mirrors. 
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= 
KJ2Io,µnC 0x(W/L)1 

CL 

If the power dissipation is specified, the total current, 

I,01a1 = (3 + K)Io, 

(6.46) 

(6.47) 

is known for a given power-supply voltage. Substituting (6.47) into (6.46), we obtain 

K 2(I1o1a1) C (W/L) 
3 + K µn ox I 

= 
K J2I1otalµnC0,(W /L) I 

J3 + K CL 
(6.48) 

Obviously, for larger values of K, the opamp's transconductance is larger (i.e., 
Kgm 1), and therefore, the unity-gain frequency is also larger. This simple result 
assumes the unity-gain frequency is limited by the load capacitance rather than any 
high-frequency poles caused by the time constants of the internal nodes. A practical 
upper limit on K might be around five. The use of large K values also maximizes the 
gain for I,otal fixed since rout is roughly independent of K for large K. 

In the circuit shown in Fig. 6.11, the important nodes for determining the non­
dominant poles are the drain of Q j, primarily, and the drains of a, and a,, sec­
ondly. Increasing K increases the capacitances of these nodes while also increasing 
the equivalent resistances. 4 As a result, the equivalent second pole moves to lower 
frequencies. If K is increased too much, an increase in CL will be required to keep 
ro1 below the frequency of the equivalent second'pole to maintain stability. Thus, 
increasing K decreases the bandwidth when the equivalent second poles dominate. In 
the case where the load capacitance is small, the equivalent second pole will limit 
the unity-gain frequency of the opamp, and if it is very important that speed is maxi­
mized, K might be taken as small as one. From experience it has been found that a 
reasonable compromise for a general-purpose opamp might be to let K = 2. 

The slew rate of the current-mirror opamp is found by assuming there is a very 
large input voltage. In this case. all of the bias current of the first stage will be diverted 
through either 0 1 or 0 2. This current will be amplified by the current gain from the 
input stage to the output stage, (i.e., K ). Thus;during slew-rate limiting, the total cur­
rent available to charge or discharge CL is Klb. The slew rate is therefore given by 

Klb 
SR= -

CL 
(6.49) 

For a given total power dissipation. this slew rate is maximized by choosing a large K 
value. For example, with K = 4 and during slew-rate limiting, 4/5 of the total bias 
current of the opamp will be available for charging or discharging CL. This result 
gives a current-mirror opamp superior slew rates when compared to a folded-cascade 

4. Increasing K implies that the currents at the input sides of the currcm mirrors are smaller. for a given 
total power dissipation. Also. the widths of transistors at the input sides of current mirrors will be smaller. 
Both of these effects cause the transconductances of transistors at the input side of current mirrors to be 
smaller. and therefore the impedances (in this case. I/gm) will be larger. 
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opamp, even when the clamp transistors have been included in the folded-cascade 
opamp. Also, there are no problems with large voltage transients during slew-rate lim­
iting for the current-mirror opamp. 

In summary, due primarily to the larger bandwidth and slew rate, the current­
mirror opamp is usually preferred over a folded-cascade opamp. However, it will 
suffer from larger thermal noise when compared to a folded-cascade amplifier 
because its input transistors are biased at a lower proportion of the total bias current 
and therefore have a smaller transconductance. As seen in the chapter on noise, a 
smaller transconductance results in larger thermal noise when the noise is referred 
back to the input of the opamp. 

EXAMPLE 6.3 

Assume the current-mirror opamp shown in Fig. 6.11 has all transistor lengths 
equal to 1.6 µm and transistor widths as given in Table 6.2. Notice that 

2 
K = 2. Assume CL = ID pF, µnCox = 3µpCo, = 96 µA/V , the total 
power dissipation is specified to be 2 mW (ignoring the power dissipation of 
the bias network, which would normally be small), and ±2.5 V power supplies 
are used. 

Find the slew rate and the unity-gain frequency, assuming the equivalent 
second pole does not dominate. Estimate the equivalent second pole, assuming 
C 0x = 1.92 fF/µm 2

. Would it be necessary to increase CL if a 75° phase mar­
gin were required without using lead compensation? What if lead compensation 
were used? 

Solution 
Since the total bias current is given by (3 + K)lb/2, we have 

I - 2I,01a1 - _2_P-'o-',s'-s/_5_V 
b - ( 3 + K) - (3 + K) = 160 µA (6.50) 

Thus, the bias currents of all transistors, except those in the output stage, are 
80 µA. The bias currents of transistors in the output stage are twice that of the 
input stage, which is 160 µA. The transconductance of the input transistors is 

Table 6.2 The transistor sizes (in µm) far the 
opamp used in Example 6.3. 

30011.6 0 1 6on .6 0 13 
300/1 .6 0 8 120/1.6 0 14 
6011.6 a, 6011.6 
60/1.6 0 10 120/1.6 
60/1.6 QI I 30/1.6 
60/1.6 012 60/1.6 

30/1.6 
60/1.6 

(6.51) 
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The transconductance of the opamp will be K times this or 3.4 mA/V. The 
unity-gain frequency is now given by 

Kgm, , 
w1 = -- = 3.4xHJ rad/s => 11 = 54 MHz 

CL 
(6.52) 

This result should be compared to the 38 MHz unity-gain frequency of the 
2 mW folded-cascade opamp of the previous example. showing that current­
mirror opamps are superior when driving large capacitive loads. 

Continuing, the slew rate is given by 

Klb 
SR = - = 32 V/µs 

CL 
(6.53) 

which compares favorably to 20 V /µs for the folded-cascode opamp without 
the clamp transistors (although it equals the value of 32 V /µs for the folded­
cascode opamp with the clamp transistors). 

When estimating the equivalent second pole. the junction capacitances will 
be ignored to simplify matters. In reality. the drain-to-bulk capacitances of the 
input transistors could contribute a significant factor, and this amount can be 
determined using simulation. The dominant node almost certainly will occur at 
the drain of Q 1• The impedance at this node is given by 

R, = I/gm, = 2.29 kQ (6.54) 

In addition, the capacitance will be primarily due to the gate-source capaci­
tances of 0 5 and Q8. We therefore have 

(6.55) 

resulting in 

C, = (I+ K)C0 ,W5 L5 = 0.553 pF (6.56) 

With these values of impedance, the time constant for this node is given by 

(6.57) 

In a similar manner. wc can calculate the impedances and, hence, the time 
constant for the drain of Q 2 to be R2 = 2.29 kQ, C2 = 0.369 pF, and , 2 = 
R2C 2 = 0.85 ns. The other important time constant comes from the parasitic 
capacitors at the drain of Q9. Here. we have 

R3 = 1/gm, 3 = 1.86 kQ (6.58) 

and 

C3 = C9 sti + C9st, = (I+ K)C 0 ,W 11 L, 3 = 0.276 pF (6.59) 

resulting in , 3 = 0.51 ns. The time constant of the equivalent second pole can 
now be estimated to be given by 

(6.60) 
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This result gives an equivalent second pole at the approximate frequency of 

I , 
Pzeq = - = 3.SxlO rad/s = 21t x 61 MHz (6.61) 

't2eq 

If lead compensation is not used and a 75° phase margin is required, the 
unity-gain frequency must be constrained to be less than 0.27 times the equivalent 
second pole from Table 5.1 of Chapter 5. Specifically, the unity-gain frequency 
must be less than 16.5 MHz. To achieve this unity-gain frequency, we need to 
increase CL by the factor 54 MHz/ 16.5 MHz, resulting in CL being 32.7 pF. 

If lead compensation is to be used, the unity-gain frequency can be chosen 
so that only a 55 ° phase margin is achieved before the lead resistor is added. 
This approach would allow the unity-gain frequency to be as high as 0.7 times 
the equivalent second-pole frequency, which is 42.7 MHz. This unity-gain fre­
quency can be realized by increasing CL to 10 pF times 54 MHz/ 42.7 MHz, 
resulting in the new value of CL being 12.6 pF. After the lead resistor is added, 
the unity-gain frequency increases by about 20 percent to 51 MHz, which is 
over a three times improvement as compared to when lead compensation is not 
used. The benefits of lead compensation are obvious. 

As a final comment, notice that the delay through the signal path from the 
drain of 0 2 to the output (i.e., , 2 + , 3 = 1.36 ns) is approximately the same as 
the delay through the signal path from the drain of Q I to the output, which is 
, 1 = 1.27 ns. This near equivalence helps to minimize harmful effects caused 
by the pole-zero doublet introduced at high frequencies (i.e., around the fre­
quency of the second pole) by the existence Qf' two signal paths. 

6.4 LINEAR SETTLING TIME REVISITED 

We saw in Chapter 5 that the time constant for linear settling time was equal to the 
inverse of ro_3 dB for the closed-loop circuit gain. We also saw that co_3 dB is given by 
the relationship 

(6.62) 

However, while for the classical two-stage CMOS opamp the unity-gain fre­
quency remains relatively constant for varying load capacitances, the unity-gain fre­
quencies of the folded-cascade and current-mirror amplifiers are strongly related to 
their load capacitance. As a result, their settling-time performance is affected by both 
the feedback factor as well as the effective load capacitance. 

For the folded-cascade opamp, its unity-gain frequency is given by 

9m1 
rot= -

CL 

whereas for a current-mirror opamp, it is equal to 

Kgm1 
(l)t = 

CL 

(6.63) 

(6.64) 
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c, 

c, 

~ Vin f l~,f lo 

1 c,oad 

Fig. 6.12 A general circuit for determining the 
-3-dB frequency of a closed-loop amplifier. 

Thus we see that for both these high-output impedance opamps, their unity-gain 
frequency is inversely proportional to the load capacitance. To determine the -3-dB 
frequency of a closed-loop opamp, consider the general case shown in Fig. 6.12. At 
the opamp output, C,oad represents the capacitance of the next stage that the opamp 
must drive, while Cc is a compensation capacitance that might be added to maintain 
a sufficient phase margin. At the input side, C, represents parasitic capacitance due 
to large transistors at the opamp input as well as any switch capacitance. 

The feedback network is due to capacitances C 1, C 2, and C, resulting in 

l/[s(C1 + C,)l C 2 13 = = (6.65) 
I/[s(C 1 + C,)l + 1/(sC,J C 1 + c, + C2 

The effective load capacitance seen by the opamp output is found by analyzing this 
circuit from a series-shunt feedback perspective. Specifically, treating the negative 
opamp input as an open circuit, the effective load capacitance, CL, is seen to be given 
by the parallel combination of Cc and C,oad, as well as that seen looking into C

2
• The 

capacitance seen looking into C 2 is equal to the series combination of C2 together 
with C 1 + C,. Combining all these capacitances together, we have 

EXAMPLE 6.4 

C 2 (C 1 + C,) 
CL = Cc+ c,oad + (6.66) 

c1 + c, + c, 

Consider the current-mirror opamp with no lead compensation in Example 6.3 
being used in the circuit shown in Fig. 6.12 with C 1 = C 2 = Cc = C,oad = 
5 pF. What is the linear settling time required for 0.1 percent accuracy? 

Solution 

First, the gate-source capacitances of the input devices of the current-mirror 
opamp can be calculated to be 

C 951 = 300 x 1.6 x 1.92 fF/µm 2 = 0.92 pF (6.67) 

The capacitance seen looking into the inverting input of the opamp is one-half 
this value since the gate-source capacitances of the two input devices are in 
series. Thus, the parasitic capacitance, Cp, is 0.46 pF. Therefore, the effective 
load capacitance is given by 
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CL= 5+5+ 5(5 +0.46) = 12.61 pF 
5 + 5 + 0.46 

which results in 

2xl.7mNY 

12.61 pF 

8 
= 2. 70 x IO. rad/s 

or equivalently, 

11 = 42.9 MHz 

Now, the feedback factor, p, is seen to be 

p = 
5 

= 0.48 
5 + 0.46 + 5 

resulting in 

, = = 7.8 ns 
Pco, 

(6.68) 

(6.69) 

(6.70) 

(6.71) 

(6.72) 

Finally. for 0.1 percent accuracy, we need a linear settling time of 7, or 54 ns. 

6.5 FULLY DIFFERENTIAL OPAMPS 

Most modern high-performance analog integrated circuits make use of fully differen­
tial signal paths. With opamps, this technique results in differential outputs as well as 
inputs, and hence, they are referred to as fully differential opamps. One of the major 
driving forces behind the use of fully differential signals is to help reject noise from 
the substrate as well as from pass-transistor switches turning off in switched-capaci­
tor applications. The reason for this noise rejection is that if the circuit is built in a 
symmetric manner (sometimes referred to as a balanced circuit), then ideally the 
noise will affect both signal paths identically, and will then be rejected, since only 
the difference between signals is of importance. In other words, the noise will have 
no effect on the differential signal, which is the signal of interest, since both sides of 
the differential signal see the same noise. In reality, this rejection only partially 
occurs since, unfortunately, the mfchanisms introducing the noise are usually nonlin­
ear with respect to voltage levels. For example, substrate noise will usually feed in 
through junction capacitances, which are nonlinear with voltage. Also, the clock 
feedthrough noise introduced by switches turning off usually has some voltage­
dependent nonlinearities that can cause more noise to feed into one path than the 
other, thereby injecting a differential noise. However, almost certainly, the noise 
rejection of a fully differential design will be much better than that for a single-ended 
output design. 

One drawback of using fully differential opamps is that a common-mode feed­
back (CMFB) circuit must be added. This extra circuitry is needed to establish the 
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common-mode (i.e., average) output voltage. Ideally, it will keep this common-mode 
voltage immovable, preferably close to halfway between the power-supply voltages, 
even when large differential signals are present. Without it, the common-mode volt­
age is left to drift, since, although the opamp is placed in a feedback configuration, the 
common-mode loop gain is not typically large enough to control its value. Such is not 
the case with differential signals as the differential loop gain.is typically quite large. 

As we will see in t_he next section, the design of a good common-mode feedback 
circuit is nontrivialq::~it usually must have a speed performance comparable to the 
unity-gain frequency._of the differential p<l!_h_. J:his speed requirement is necessary, 
otherwise noise on the power supplies may be significantly amplified such that the 
output signal becomes clipped (or distorted). Secdnil;; straightforward continuous­
time designs often don't work when large_diffe_rential signals are present,_which may 
result in large common-mode signals being injected. Typically, these continuous-time 
CMFB circuits are the major limitation on maximum allowable signals, often limiting 
the signals substantially more than the differential signal-path circuitry does. Also, 
even when switched-capacitor CMFB circuits (described in the next section) are used, 
although the signal swings are not usually limited, the CMFB circuitry is often a 
source of noise injection and can also substantially increase the load capacitance that 
needs to be driven. 

Another drawback of fully differential opamps is that in many designs, .the singl_e_:: 
ended slew-rate in one direction is su~tantially reduced when it is compared to that of 
equivalent si~gfe:endeiioulput designs. This slew-rate reduction occurs because the·· 
maximum current for slewffig is oftffihmited by fixed-bias currents in the output stages. 
For example, in the fully differential amplifiers to ll'e presented shortly, the negative­
going current in the output stage is fixed. The unity-gain frequency, however, is usually 
increased because one of the current-mirrors is typically eliminated from the signal 
p,ith. 

V Regardless of some of the limitations just described, a well-designed, fully differ­
ential amplifier works very well and can substantially improve the noise rejection. For 
this reason, differential designs are becoming more and more popular, perhaps consti­
tuting a majority in new microcircuit designs. 

Fully Differential Folded-Cascade Opamp 

A simplified schematic of a fully differential folded-cascade opamp is shown in 
Fig. (i. 13. The n-channel current-mirror of Fig. 6.9 has been replaced by two cascade 
current sources, one composed of 0 7 and 0 8 , the other composed of 0 9 and 0 10 . In 
addition, a common-mode feedback (CMFB) circuit has been added. The gate voltage 
on the drive transistors of these current sources is determined by the output voltage, 
V cntrJ, of the common-mode feedback circuit. The inputs to the CMFB circuit are the 
two outputs of the fully differential amplifier. The CMFB circuit will detect the aver­
age of these two outputs and force it to be equal to a predetermined value, as we shall 
see in the next section. 

Note that when the opamp output is slewing, the maximum current available for 
the negative slew rate is limited by the bias currents of 0 7 or 0 9 . If the CMFB circuit 
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..... ------11------+-0 + 

..... --p-----1--0 V out 

Fig. 6.13 A fully differential folded-cascade opamp. 

CMFB 
circuit 

is very fast, these will be increased dynamically to some degree during slewing, but 
seldom to the degree of a single-ended output fully differential opamp. For this rea­
son, fully differential folded-cascade opamps are usually designed with the bias cur­
rents in the output stage equal to the bias currents in the input transistors. Also, to 
minimize transient voltage changes duri_ng s]ew-rate limiting, clamp transistors Oil 
and 012 have been added, as in the single~e-;;dedd~sig,tpresented earlier. If these 
transistors are not included (as has historically been the case), the time to recover 
from slew-rate limiting of the folded-cascade amplifier can be comparatively poor. 

Each signal path now consists of only one node in addition to the output nodes, 
namely the drain nodes of the input devices. These nodes will most certainly be 
responsible for the equivalent second poles. In cases where the load capacitance is 
small, and it is important to maximize the bandwidth, a complementary design (i.e., 
n- and p-channel transistors and the power supplies interchanged) would be prefer­
able to maximize the frequency of the equivalent second poles. This complementary 
circuit would result in the impedance at the drains of the input devices being the 
inverse of the transconductance of n-channel transistors, rather than p-channel tran­
sistors, resulting in smaller impedances and therefore faster time constants. The 
trade-off involved is that the opamp's transconductance, and therefore the opamp's 
de gain, would become smaller due to the input transistors now being p-channel 
transistors. Also, the CMFB circuitry could possibly be slower, as the current 
sources being modulated would also have to be p-channel drive transistors. In any 
case, a complementary design is often a reasonable choice for high-speed fully dif­
ferential designs. 
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Alternative Fully Differential Opamps 

An alternative design is the fully differential current-mirror opamp, as shown in sim­
plified form in Fig. 6.14. As with the folded-cascade design, this circuit can be real­
ized as shown or in a complementary design, with p-channel input transistors, 
n-channel current mirrors, and p-channel bias current sources. Which design is pref­
erable is primarily determined by whether the load capacitance or the equivalent sec­
ond poles are limiting the bandwidth, and by whether maximizing the de gain or the 
bandwidth is more important. n-channel inputs are preferable in the former case and 
p-channel inputs are preferable in the latter case, for reasons similar to those dis­
cussed for the folded-cascade opamp. Also, n-channel input transistors will give 
lower thermal noise (due to their larger transconductances), whereas p-channel inputs 
will result in less opamp input-referred 1/f noise. 

If a general-purpose fully differential opamp is desired, then this design with 
large p-channel input transistors, a current gain of K = 2, and wide-swing enhanced 
output-impedance cascade ,mirrors and current sources is probably a good choice, 
compared to all other fully differential alternatives. 

One of the limitations of the fully differential opamps seen so far is that the max­
imum current at the output for single-ended slewinliJn one_directiQ.JLiS limited by 
fixed current sources. It is possible to modify the designs to get bidirectional drive 
capability at the output, as is shown in Fig. 6.15. This opamp is similar to the current 
mirror design of Fig. 6.14, but now the current mirrors at the top (i.e., the p-channel 
current mirrors) have been replaced by current mirrors having two outputs. The first 

1 :K 

1 :K 

a, 

+ 

a, 

.... -----1------.--0 + 
Vout 

t---1r---t---O 

CMFB 
circuit 

Fig. 6.14 A fully differential current-mirror opamp. 
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output has a current gain of K and goes to the output of the opamp, as before. The 
second output has a gain of one and goes to a new n-channel current mirror that has a 
current gain of K, where it is mirrored a second time and then goes to the opamp's 
opposite output, as shown. Assume now the differential output is slewing in the posi­
tive direction. For this case, the differential input will be very positive and the slewing 
current going into V out+ will be Klb,as, but due to the additional n-channel mirrors, 
the current being sinked from V out- will also be Klb,as· This circuit has an improved 
slew rate at the expense of slower small-signal response due to the addition of the 
extra outputs on the p-channel mirrors and the additional n-channel mirrors, although 
in many applications this trade-off may be well merited. Of course, common-mode 
feedback must be added to the circuit of Fig. 6.15. 

A third alternative, which makes use of a class-AB input stage, is shown in 
Fig. 6.16 [Castello, 1985]. Note here that for simplicity, the CMFB circuit is not 
shown, although it is required. This design has two differential-pair input stages con­
nected in parallel. Each differential pair is composed of an n-channel and a p-channel 
transistor, and some level-shift transistors. Specifically, one input stage consists of a 
level-shift circuit composed of source follower Q, and diode-connected 0 2 , and a 
differential pair consisting of p-channel transistor Q 3 and n-channel transistor 0 4 . 

The other input stage consists of level shifter Q 5 and Q 6 , and differential pair Q 7 and 
Q8. In addition, there are four current mirrors to sum the drain currents of all differen­
tial pair transistors at the output nodes. At each output node, currents originally com­
ing from the n-channel transistor of one differential pair and from the p-channel 
transistor of the other differential pair are summed. 

The advantage of the input stage in this opalttp is that during slew-rate limiting, 
one differential pair will tum off, but the total current in the other differential pair 
will dynamically increase substantially. For example, assuming a large positive input 

1:1 
02 

1 :1 

f--o v,,_ 

vout+ Vout-

K:1 1 :K 

Fig. 6.15 A fully differential opamp with bidirectional output drive. 
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K:1 1 :K 

Vout+ Vout-

K:1 1 :K 

Fig. 6.16 A class AB fully differential opamp. CMFB circuit not shown. 

voltage. the pair 0 3• 0 4 turns off, while the current through the pair 0 7, 0 8 

increases. As a result, the increased current through 0 8 goes through a current mir­
ror to the V out+ node, causing it to slew in a positive direction, whereas the current 
from 0 7 goes through a current mirror to the V out- node, causing it to slew in a 
negative direction. The currents at this time of slew-rate limiting will be much 
larger than the small-signal bias currents, giving this opamp a very large slew-rate 
performance. 

The disadvantage of this design is that the level-shift circuitry required 21 the 
input increases the noise and adds additional parasitics, which contribute to the equiv­
alent second pole. In addition, the common-mode range of the input must remain at 
least 2V1 + 3V011 above the lower power supply (and typically higher for the slew­
rate performance to be maintained). This is a major problem when 5-V power supplies 
are being used, and it effectively eliminates this design from consideration for use 
with 3.3-V power supply voltages. However, for applications where the power-supply 
voltages are large, the load capacitances are large, and the slew rate is very important, 
this approach is quite reasonable. 

Another alternative for a fully differential opamp is to use two single-ended out­
put opamps with their inputs connected in parallel and each of their outputs being 
one output side of the fully differential circuit. An example of such an approach 
using current-mirror subcircuits is shown in Fig. 6.17. This design also has a fairly 
large slew rate when compared to the simpler fully differential current-mirror opamp 
of Fig. 6.14, but has additional current mirrors and complexity. Another advantage 
of this design is that the noise voltages due to the input transistors sum in a squared 
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K:1 1:K 

Vout+ Vout-

K:1 1:K 
Vin+ Vin-

Fig. 6.17 A fully differential opamp composed of two single-ended output current-mirror opamps. 
CMFB circuit not shown. 

fashion, while the two signal paths sum linearly.5 As a result, this design has an 
improvement in signal-to-noise ratio of the input-referred gain by a factor of Jz, or 
3 dB. Also, the increase in total power dissipation is not significant when K is mod­
erately large. As for the previous design, the compensation of the common-mode 
feedback loop is more difficult than for designs having fixed current sources biasing 
the output stages. 

Another alternative design is shown in somewhat simplified form in 
Fig. 6.18. The advantage of this circuit is that due to the use of both n-channel 
and p-channel transistors in the two differential input pairs, the input common­
mode voltage range is increased [Babanezhad, 1988; Hogervorst, 1992; Cohan, 
1994]. This feature can be particularly important when low power-supply volt­
ages are being used. When the input common-mode voltage range is close to 
one of the power-supply voltages, one of the input differential pairs will turn 
off, but the other one will remain active. In an effort to keep the opamp gain rel­
atively constant during this time, the bias currents of the still-active differential 
pair are dynamically increased. For example, if the input common-mode voltage 
range was close to the positive power-supply voltage, o, and o. would turn 
off, and 0 6 would conduct all of I2 • This current would go through current mir­
ror MI and increase the bias current of the differential pair consisting of 0 1 
and 0 2 , which is still active. A similar situation occurs if the input common­
mode voltage is near the negative power-supply rail. With careful design, it has 
been reported that the transconductance of the input stage can be held constant 
to within 15 percent of its nominal value with an input common-mode voltage 

5. See Chapter 4 regarding noise. 
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M, 

Fig. 6.18 An opamp having rail-to-rail input common-mode voltage range. CMFB cir­
cuit not shown. 

range as large as the difference between the power-supply voltages [Caban, 
1994]. 

6.6 COMMON-MODE FEEDBACK CIRCUITS 

Typically, when using fully-differential opamps in a feedback application, the applied 
feedback determines the differential signal voltages, but does not affect the common­
mode voltages. It is therefore necessary to add additional circuitry to determine the 
output common-mode voltage and to control it to be equal to some specified voltage, 
usually about halfway between the power-supply voltages. This circuitry, referred to 
as the common-mode feedback (CMFB) circuitry, is often the most difficult part of the 
opamp to design. 

There are two typical approaches to designing CMFB circuits-a continuous­
time approach and a switched-capacitor approach. The former approach is often the 
limiting factor on maximizing the signal swings, and, if nonlinear, may actually in­
troduce common-mode signals. The latter approach is typically only used in 
switched-capacitor circuits, since in continuous-time applications it introduces 
clock-feedthrough glitches. 

An example of a continuous-time CMFB circuit is shown in Fig. 6.19 [Martin, 
1985; Whatly, 1986]. To illustrate its operation, assume a common-mode output volt­
age of zero and that V out+ is equal in magnitude, but opposite in sign, to V 0u,-. Fur­
thermore, assume the two differential pairs have infinite common-mode input 
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a, I a, 

Fig. 6.19 An example of a continuous-time CMFB circuit. 

rejection, which implies that the large-signal output currents of the differential pairs 
depend only on their input differential voltages. Since the two pairs have the same 
differential voltages being applied, the current in 0 1 will be equal to the current in 
Q3, while the current in Q2 will equal the current in 0 4 . This result is valid indepen­
dent of the nonlinear relationship between a dilJerential pair's input voltage and its 
large-signal differential drain currents. Now, letting the current in 0 2 be denoted as 
I 0 , = Ia/2 + t.I, where Ia is the bias current of the differential pair and t.I is the 
large-signal current change in I0 ,, the current in 0 3 is given by I03 = Oa/2)-t.l, 
and the current in Os is given by 

Io, = I0 , + I 03 = (Ia/2 + t.l) + ((Ia/2)-tiI) = Ia (6.73) 

Thus, as long as the voltage V o"t+ is equal to the negative value of V 0 "1_, the current 
through diode-connected Q5 will not change even when large differential signal volt­
ages are present. Since the voltage across diode-connected Os is used to control the 
bias voltages of the output stage of the opamps, this means that when no common­
mode voltage is present, the bias currents in the output stage will be the same regard­
less of whether a signal is presenlor not. Note, however. that the above result does not 
remain valid if the output voltage is so large that transistors in the differential pairs 
turn off. 

Next consider what happens when a common-mode voltage other than zero6 

is present. For example, assume a positive common-mode signal is present. This 
positive voltage will cause the currents in both 0 2 and Q3 to increase, which 

6. For this example. it is assumed that positi\'e and negative power <;upplies are present and that the desired 
common-mode voltage is zero. In a single-supply application, the gates of 0 2 and OJ would be connected 
to a bias voltage equal to the desired output common-mode voltage. 
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causes the current in diode-connected 0 5 to increase, which in turn causes its 
voltage to increase. This voltage is the bias voltage that sets the current levels in 
the n-channel current sources at the output of the opamp. Thus, both current 
sources will have larger currents pulling down to the negative rail, which will 
cause the common-mode voltage to decrease, bringing the common-mode voltage 
back to zero (or almost zero). Thus, as long as the common-mode loop gain is 
large enough, and the differential signals are not so large as to cause transistors in 
the differential pairs to turn off, the common-mode output voltage will be kept 
very close to ground. 

The size of the differential signals that can be processed without one of the 
differential-pair signals turning off is maximized if the differential-pair transistors are 
designed to have large effective gate-source voltages. Alternatively, source degenera­
tion can be used to allow them to have larger input signals without all of the current 
being directed to one side of the differential pair. However, even when this maximiza­
tion is performed, the CMFB circuit still limits the differential signals to be less than 
what can be processed by the rest of the opamp. 

Finally, it should be noted that when realizing the CMFB circuit of Fig. 6.19, the 
current sources Is should be high-output impedance cascade current sources to ensure 
good common-mode rejection of the two differential pairs. 

A modified version of the CMFB circuit of Fig. 6.19 is shown in Fig. 6.20 
[Duque-Carillo, 1993]. This version adds an additional transistor (07 ) and an addi­
tional current source to make use of the other sides of the differential pairs, which were 
previously unused in Fig. 6.19. This change effectively doubles the common-mode 
gain of the circuit for little additional complexity. As reported in [Duque-Carillo, 
1993], it has very good linearity (better than 0.01 % ). 

a, 
Vout+ ~ I 02 

Vcntrl 

Is+ 

lsf2-M0 -i, -i,lsf2+M0 

Is+ 

Fig, 6.20 A modified CMFB circuit having twice the common-mode 
gain as that of Fig. 6.19. 
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V oot+ o--j o, 

20 k!1 

1.5 pF 

v,ef o--l 

vcntrl4-+--

20 kQ 

1.5 pF 

VA= VcM-(Velfl +Vtt) 

V,et = -(V et1t + V11) 

Fig. 6.21 An alternative continuous·time CMFB circuit. 

An alternative approach for realizing CMFB circuits is shown in Fig. 6.21 [Banu, 
1988]. This circuit generates the common-mode voltage of the output signals (minus a 
de level shift) at node VA· This voltage is then compared to a reference voltage, V,.1, 

using a separate amplifier. Although this approach works well, it has a major limita­
tion in that the voltage drop across the source-follower transistors 0 1, 0 2 severely 
limits the differential signals that can be processed (unless transistors with native 
threshold voltages, such as 0.3 volts, are available). This limitation is particularly 
important when small power-supply voltages are used. In addition, the additional 
nodes of the common-mode feedback circuitry make the circuit slightly more difficult 
to compensate. When bipolar transistors are available, as is the case in a BiCMOS 
process, this approach is much more desirable. 

An important consideration when designing CMFB circuits is that they be well 
compensated. Otherwise, the injection of common-mode signals can cause them to 
ring or even possibly become unstable. Thus, when the circuit is being designed, the 
phase margin and step-response of the common-mode loop should be found and veri­
fied by simulation. Often, the compensation of the common-mode loop can be real­
ized using the same compensation capacitors used to stabilize the differential loop. 
This. multipurpose compensation is achieved by connecting two compensation ( or 
loading) capacitors between the opamp outputs and ground ( or some other reference 
voltage). The other approach would be to use a single compensation capacitor con­
nected directly between the two outputs, but this method only compensates the differ­
ential loop. It should be mentioned that by having as few nodes in the common-mode 
loop as is possible, compensation is simplified without having to severely limit the 
speed of the CMFB circuit. For this reason, the CMFB circuit is usually used to con­
trol current sources in the output stage of the opamp, as opposed to the current 
sources in the input stage of the opamp. The high speed of the CMFB circuit is neces-
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Fig. 6.22 A switched-capacitor CMFB circuit. 

sary to minimize the effects of high-frequency common-mode noise, which could be 
amplified, causing the opamp outputs to saturate. Finally, it should be stated that 
designing continuous-time CMFB circuits that are both linear and operate with low 
power-supply voltages is an area of continuing research. 

A third approach for realizing CMFB circuits is based on the use of switched­
capacitor circuits. An example of this approach is shown in Fig. 6.22 [Senderowicz, 
1982; Castello, 1985]_ In this approach, capacitors labelled Cc generate the average of 
the output voltages, which is used to create control voltages for the opamp current 
sources. The de voltage across Cc is determined by cai,acitors Cs, which are switched 
between bias voltages and between being in parallel with Cc. This circuit acts much 
like a simple switched-capacitor low-pass filter having a de input signal. The bias volt­
ages are designed to be equal to the difference between the desired common-mode 
voltage and the desired control voltage used for the opamp current sources-

The capacitors being switched, Cs, might be between one-quarter and one-tenth 
the sizes of the nonswitched capacitors, Cc. Using larger capacitance values over­
loads the opamp more than is necessary during the phase <)>2, and their size is not criti­
cal to circuit performance. Reducing the capacitors too much causes common-mode 
offset voltages due to charge injection of the switches. Normally, all of the switches 
would be realized by minimum-size n-channel transistors only, except for the 
switches connected to the outputs, which might be realized by transmission gates (i.e., 
parallel n-channel and p-channel transistors both having minimum size) to accom­
modate a wider signal swing. 

In applications where the opamp is being used to realize switched-capacitor cir­
cuits, switched-capacitor CMFB circuits are generally preferred over their continuous­
time counterparts since they allow a larger output signal swing. 

6.7 CURRENT-FEEDBACK OPAMPS 

The last type of opamp described in this chapter is referred to as a current-feedback 
opamp. This type of opamp has become popular recently, particularly in applications 

i: 

;,I: 

' '. 
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where high gain and high speed are required [Comlinear, 1985; Bowers, 1990]. One 
of this opamp's advantages is that its closed-loop gain can be changed, when used in a 
feedback application, without significantly affecting its loop gain. Because of this fea­
ture, a single compensation capacitor of one size can be used irrespective of the gain 
selected. As will be seen, the opamp is similar to many of the high-speed CMOS 
opamps described above, in that all nodes are low impedance except for the node 
where the compensation capacitor is located. Currently, the most popular technology 
used for realizing current-feedback opamps is a high-speed complementary-bipolar 
technology having vertical pnp transistors that have speeds comparable to vertical 
npn transistors. 

A simplified example of a current-feedback opamp is shown in Fig. 6.23, where 
R

0 
is the impedance at the output of the current mirrors. The input signal, V;n, is 

applied to a high-impedance input, while a feedback current connects to a low­
impedance node labelled V n. The impedance seen looking into this low-impedance 
node is on the order of l/(2gm,). 

Ignoring stability issues, the basic operation of this current-feedback opamp can 
be understood as follows. The voltage at Vn is equal to the input voltage, V;,, due to 
the class-AB unity-gain buffer stage consisting of 0 1, 0 2 , and the two diodes. Now 
assuming R0 is very large and ignoring Cc (which is included for compensation), a 
small feedback current, i1, results in a large output voltage, V out. Thus, during stable 

IR - .!t_ IR - i, 
2 2 

IR + + Unity-gain 1: 1 
i, buffer 

o, ---+ vo,,, 
c, Ro 

Vin 
v, 

I - R2 

02 Feedback 

+-- resistors 

IR 
i, 

R1 

+ 
1: 1 + -

IR+ i1 ( IR + Ji_ 
2 2 

Wilson current 
mirror 

Fig. 6.23 A current-feedback opamp. 
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operation, i1 ~ 0 such that v0 " 1 goes to a finite voltage value. Finally, V 0 " 1 is seen to 
be related to V 0 = V; 0 due to the two resistors, R1 and R,. Specifically, noting that 
i1 = 0, we have 

R, R2 

=--- (6.74) 

which can be rearranged to give the following input/output relationship: 

Vout R1 + R2 
= -=--

Vin _RI 
(6.75) 

To understand the feedback nature of the current-feedback opamp, we make some 
simplifying assumptions here. First, assume that the transistor current gain, [3, is infi­
nite. Also assume that the impedance looking into the emitters of Q1 and Q2, which is 
1/(gm, + 9m 2 ), is much smaller than R, II R2. Finally, assume the feedback current, 
i,. splits equally between the two transistors Q 1 and Q 2• Although this equal current 
splitting assumption is unnecessary (since the two currents will add to i1 in any case), 
it does make the explanation simpler. 

The signal being fed back in the opamp is the signal current i1 corning from the 
feedback network of R1 and R2 and going into the emitters of Q1 and Q2. Recalling 
that V0 = V; 0 , this current is given by 

. . . Vaut - Vin Vin V out ( I I ) 
1, = IA, - IA, = R, - R, = R, -V;, R, + R, (6.76) 

Now, with Q1 and Q2 having infinite current gains, [3,-the collector currents of Q
1 

and 
Q2 are both equal to their bias currents, IA, added to their fed-back signal currents, 
i1/2. This current is mirrored by current mirrors whose outputs are summed at the 
high-impedance node. Note that this high-impedance node sees an impedance to 
ground equal to the compensation capacitor, Cc, in parallel with a high resistance, 
R0 . This resistance, R0 , is large. typically on the order of (gmr,l)/4. The loop gain 
for this circuit can be found by breaking the loop at the top of R2 and injecting a sig­
nal, Vx, at the top of R2 . By breaking the loop at the low-impedance output of the 
unity-gain buffer, there is only a small error in ignoring the loading effect of the feed­
back network. The loop gain is then equal to the ratio of V 0 " 1 to v x, while zeroing the 
input signal, V; 0 . The loop gain, LG(s), is seen to be 

LG(s) = (-I,XV0 "'J (6.77) l V, I, 

The first term in (6.77) can be found using (6.76) for V; 0 = 0 and letting Vx = V
0

" 1. 

We have 

= (6.78) 
Vx R2 

assuming again that V x = V;,- For the second term, note from Fig. 6.23 that the 
small-signal portions of the currents from the current mirrors sum together and both 
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flow out of the parallel combination of Cc and R0 , resulting in 

-I, 
Vout = -----

sCc + l/R 0 

Substituting (6.78) and (6.79) into (6.77), we have 

R /R 
LG(s) = 0 2 

I+ sCcR0 

(6.79) 

(6.80) 

where the approximation is valid at high frequencies. Thus, we see here that the high­
frequency behavior of the loop gain is independent of R 1. As a result, one can change 
RI to realize various closed-loop gains without affecting the unity-gain frequency or 
the closed-loop stability. Using (6.80), we see the unity-gain frequency, 001, is given by 

I 
C01 = -­

CcR2 
(6.81) 

To find the closed-loop transfer function, we can substitute (6.79) into (6.76) and 
simplify to obtain 

V0 u1 l/R1 + IIR2 R0 (R1 + R,)( I ) 
A 01 (s) = - = = (6.82) 

V,n l/R 1 + l/R2 + sC0 (R0 + R2)R 1 I+ sCc(R0 II R2 ) 

For R0 >> R2 , which is typically a good assumption, we have 

R1 + R2 ( I ) A01 (s) = ---
R1 I+ sCcR 2 

Thus, the -3-dB frequency of the closed-loop transfer function is given by 

I 
Ol -

-3 dB - C R 
C 2 

(6.83) 

(6.84) 

which is the same as the unity-gain frequency of the open-loop response, and is inde­
pendent of R I and the low-frequency closed-loop gain. Therefore Cc can be chosen 
once, for a given R2, and will remain optimum to a first-order approximation, irre­
spective of R I and the closed-loop gain. This independence is one of the main bene­
fits of using current-feedback amplifiers. Specifically, they can attain very high 3-dB 
frequency values for large closed-loop gains, or in other words, large gain-bandwidth 
products. For example, if a current-feedback amplifier has a closed-loop gain of unity 
and a -3-dB frequency of 100 MHz, it has a gain-bandwidth product of 100 MHz. 
Now, by simply reducing R 1, the same amplifier might have a closed-loop gain of 20, 
but its -3-dB frequency remains near 100 MHz, and thus its gain-bandwidth product 
is near 2 GHz! It should be noted here, though, that above 100 MHz the gain would 
most likely fall off quite a bit faster than -20 dB/decade, since the nondominant poles 
will be only somewhat greater than 100 MHz. 

This compensation independence does not occur for the more common voltage­
feedback amplifiers. With voltage-feedback amplifiers, as the closed-loop gain is 
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increased, the closed-loop -3-dB frequency is decreased by the same amount if the com­
pensation capacitor remains the same. As a result, the gain-bandwidth product for a 
voltage-feedback amplifier remains constant for a given compensation capacitor. For 
example, if a voltage-feedback amplifier has a closed-loop gain of unity and a -3-dB 
frequency of I 00 MHz, when the closed-loop gain is changed to 20, the-3-dB frequency 

· lowers to 5 MHz. However, in this case, the gain above 5 MHz will fall off at -20 dB/ 
decade until somewhat greater than IOO MHz (when the nondominant poles come into 
effect). In addition, it should be noted that for a given fixed closed-loop gain, voltage­
feedback amplifiers can achieve similar gain-bandwidth products to their current-feed­
back counterparts if one is allowed to change their compensation capacitor. Specifically, 
for larger closed-loop gains, the feedback factor~. and thus loop gain, is decreased; as 
a result, a smaller compensation capacitor can be used to obtain the same phase margin. 

In most practical realizations of current-feedback amplifiers, Darlington-pair 
transistors are used in the input stage to decrease the input bias currents required. 
Unfortunately, this approach makes the opamp somewhat noisier and increases the 
opamp input offset voltages somewhat. Another limitation is the requirement that R 

1 
be taken much larger than the impedances looking into the emitters of Q1 and Q

2
, 

namely l/(gm 1 + 9m2 ). As a result, R1, and therefore R2 as well, need to be larger 
than would be desired for optimum high-frequency performance. This limitation is 
more severe in high-gain applications where R 1 << R2• Additionally, these current­
feedback opamps typically make use of a purely resistive feedback network and may 
become difficult to compensate if reactive components (such as a capacitor) are used 
in the feedback network. Regardless of these limitations, current-feedback opamps 
exhibit excellent high-frequency characteristics and iire quite popular in many video 
and telecommunications applications. 

6.8 SPICE SIMULATION EXAMPLES 

In this section, simulation results for Example 6.2 and Example 6.3 are presented. 

Simulation of Example 6.2 

The circuit for Example 6.2 is shown in Fig. 6.24. First, the clamp transistors, 0
12 

and 
0 13, are excluded. Bias voltages V81 and V82 are set such that all transistors are 
active, and an ac analysis is performed to determine the unity-gain frequency. Next, 
the opamp is placed in unity-gain configuration, and a step response is performed to 
determine the slew rate. Finally, the clamp transistors are included, and the resulting 
slew rate is determined. 

NETLIST: 

vdd 
vss 

1 
2 

0 
0 

de 2.5 
de -2.5 

'I 
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1 03 o, 1 
3 3 

7 

6 o, o. 
8 

9 
2 c:_>----1 o, o, 

11 V,"' 
Vin 13 14 

+ C, 
10 

lbias2 
I18 15 

v., ~ Re 
2 07 o. 

2 2 

Fig. 6.24 A folded-cascode opamp. 

mil 3 3 PMOS w = !Oum I = l.6um 
ibias 1 3 2 tic 6.6µ 
m3 6 3 1 PMOS w = 300um I = 1.6um 
m4 7 3 1 I PMOS w = 300um I = 1.6um 
ml 6 9 11 2 NMOS w = 300um I = l.6um 
m2 7 10 11 2 NMOS w = 300um I = l.6um 
ibias2 11 2 de 320µ 
m5 13 8 7 1 PMOS w = 60um I = 1.6um 
m6 14 8 6 I PMOS w = 60um I = 1.6um 
m7 13 15 16 2 NMOS w = 20um I = l.6um 
m8 14 15 17 2 NMOS w = 20um I = l.6um 
m9 16 13 2 2 NMOS w = 20um I = 1.6um 
m!O 17 13 2 2 NMOS w = 20um I = l.6um 
Cl 14 18 !Op 
Re 18 0 347 
vb! 8 0 de 0.75 
vb2 15 0 de -1 
vin!O 10 0 de O ac l 
vin9 9 0 de 0 

The frequency plot of the folded-cascade opamp is shown in Fig. 6.25, where we 
find that the unity-gain frequency occurs at about 40 MHz. The step response of the 
folded-cascade opamp without clamp transistors is shown in Fig. 6.26(a), where we 
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-~I. 
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1t 1~ 1~ 1~ rn' 

Frequency [Hz] 

Fig. 6.25 Frequency plot of the folded-cascade 
opomp. 

•------ /= -------.------- - - -~, 

( 
-------

• 

06f-

~ 
3 0.4-
~ 

"l-~/ l 
~~-~J 

of----~ 
~,- -----~--~-~---- --

0 1 2 3 4 5 6 
Time l•J , 10-, 

(a) 

~,~-~­. . ' 3 4 5 6 
Tome [sJ , 10-, 

(b) 

Fig. 6.26 The step response of the folded-cascade opamp la) without clomp transistors and (b) with 
clomp transistors. 

find the slew rate is about 23 V /µs. The step response of the folded-cascade opamp 
with clamp transistors is shown in Fig. 6.26(b), where we find that the slew rate is 
now 27 V/µs. While this slew-rate improvement is not that substantial, it should be 
noted that the main advantage of including the clamp transistors is to help the opamp 
recover from slew-rate conditions more quickly. 

Simulation of Example 6.3 

The circuit for Example 6.3 is shown in Fig. 6.27. First, an ac analysis is performed 
to determine the unity-gain frequency. Then the opamp is placed in unity-gain 
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5 

8 

10 

2 2 

2 lo14 = KI1 = Kl,!2 

Fig. 6.27 A current-mirror opamp. 

configuration, and a step response is performed to detennine the slew rate. 

NETL!ST: 
vdd 1 0 de 2.5 
vss 2 0 dc-2.5 
m5 4 3 1 1 PMOS w = 60um I = l.6um 
m6 7 6 1 1 ..PMOS w = 60um I = l.6um 
m3 3 5 4 I PMOS w = 60um I = l.6um 
m4 6 5 7 1 PMOS w = 60um I = l.6um 
ml 3 9 8 2 NMOS w = 300um I = l.6um 
m2 6 10 8 2 NMOS w = 300um I = l.6um 
ib 8 2 160um 
m7 11 6 1 PMOS w = 60um I = l.6um 
m8 12 3 1 PMOS w = 120um I = l.6um 
m9 14 5 11 l PMOS w = 60um I = l.6um 
m!O 13 5 12 1 PMOS w = 120um I = l.6um 
mll 14 18 16 2 NMOS w = 30um I = l.6um 
ml2 13 18 17 2 NMOS w = 60um I = l.6um 
ml3 16 14 2 2 NMOS w = 30um I = l.6um 
ml4 17 14 2 2 NMOS w = 60um I = l.6um 
cl 13 0 ]Op 

vb2 5 0 de 0.6 
vb! 18 0 de -1.24 
vinl 9 0 de O ac I 
vin2 10 0 de 0 

The frequency plot of the opamp is shown in Fig. 6.28(a), where it is seen that 
unity-gain frequency is about 50 MHz. The step response of the opamp is shown in 
Fig. 6.28(b), where it can be detennined that the slew rate is about 30 V/µs. 
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Fig. 6.28 Simulation results for a current-mirror opamp. (a) Frequency response. lb) Step response. 
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6.10 PROBLEMS 

Unless otherwise stated, assume the following: 

n-channel MOS transistors: 
2 

µnCox = 92 µA/V 
V,n = 0.8 V 
y = 0.5 yl/2 

rds(Q) = 8,000L(µm)/l~(mA) in active region 
Ci= 2.4x 10-

4 
pF/(µm) 

Cj-sw = 2.0 X 10-
4 

pF/µm 
Cox= 1.9 X 10-3 pF/(µm) 2 

Cgs(ovenapJ = Cgd(ovenapJ = 2.0 X 10-
4 

pF/µm 

p-channel MOS transistors: 
2 

µ 0C 0 x = 30 µA/V 
V10 = -0.9 V 
y = 0.8 yl/2 

rd.(Q) = 12,000L(µm)/I 0 (mA) in active region 
--4 2 

Ci= 4.5 x 10 pF/(µm) 
--4 

Cj-sw = 2.5 X 10 pF/µm 
C 0x = 1.9 X 10-3 pF/(µm) 2 

--4 
Cgs(ovenap) = Cgd(ovenapJ = 2.0 X 10 pF/µm 

6.1 Calculate the output impedance of the two-transistor diode-connected circuit 
shown in Fig. P6. l using small-signal analysis. Assume both transistors are in 
the active region, ignore the body effect, and assume 9m 1 = 9m2 , r dsI = r ds 2 , 

and gmrds >>I. 

6.2 Assume n is chosen to be I in Fig. 6.1 and all transistors are taken to be equal 
sizes, except (W/L)5 is chosen so that V0 s 3 = V0 s 2 = V0113 + 0.15 V, 
where V eff is chosen to be 0.2 V for all transistors except 0 5• Ignoring the 
body effect, find the required size for all transistors assuming they all have 
lengths equal to 1.6 µm. Assume that Iblas= 50 µA. 

6.3 What are the drain-source voltages of 0 3 and 0 4 from Problem 6.2 if the 
lengths of 0 3 and 0 4 are decreased to I µm to maximize speed? 
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r- rout 

a, 

a, 

Fig. P6.1 

6.4 What is the value required for Ra in Fig. 6.2 to give V 0113 = 0.2 V? 

6.5 Assuming that µn is proportional to T-312 , what would V 8113 be at I 00 °C if 
it was 0.2 V at 20 °C? 

6.6 Assume that Ra from Fig. 6.2 has a temperature dependence of +0.3%/°C. 
What would V eff3 be at 100 °C if it was 0.2 Vat 20 °C? Assume µn varies as 
in Problem 6.5. 

6.7 Using small-signal analysis and ignoring the body effect, show that the circuit 
ofFig.6.3hasanoutputimpedancegivenby rout = 9m,rdslrdsz0 +A). 

6.8 For the circuit shown in Fig. P6.8, using small-signal analysis, find the output 
impedance. What is an upper limit on the output impedance assuming 
RE >> r,? Compare this to the upper limit on the output impedance of a sim­
ple cascode mirror (i.e., A = 0) for the same case. 

vbias 

RE 

Fig. P6.8 

6.9 For the circuit shown in Fig. 6.6 with the W /L ratios shown and assuming all 
lengths are l.6 µm, estimate the output impedance. Assume that all current 
sources are ideal and that l;n = 7Ibias· Compare this to the output impedance 
of a wide-swing cascode current mirror where the gate of Q I was connected 
to V casc-n from the bias-generation circuitry of Fig. 6.2. Assume !bias = 
50 µA. 

6.10 For the folded-cascode amplifier shown in Fig. 6.9, with the transistor sizes 
given in Table 6.1, find the unity-gain frequency and the slew rate. Assume 
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±2 V power supplies are used, that CL is 10 pF, and that the power dissipa­
tion is 1 mW. 

6.11 For the folded-cascade amplifier shown in Fig. 6.9, with the transistor sizes 
given in Table 6.1, estimate the approximate frequency of the second pole 
caused by the parasitic capacitances at the drains of 0 1 and 0 2 • Assume 
±2 V power supplies are used, that CL is 10 pF; and that the power dissipa­
tion is I mW. To simplify matters, junction capacitances can be ignored. 
What should CL be to achieve 70° phase margin? What would the corre­
sponding unity-gain frequency and slew rate be? 

6.12 For the amplifier of Problem 6.11 with lead compensation, find the load 
capacitance, CL, for a 70° phase margin. What size resistor should be used? 
What is the final unity-gain frequency and slew rate? Assume lead compensa­
tion with ro, = l .2ro1 improves the initial unity-gain frequency by 20 per­
cent and the phase margin by 30 degrees. 

6.13 For the folded-cascade amplifier shown in Fig. 6.9, assume the bias currents 
of 0 1 and 0 2 are K times greater than the bias currents in 0 5 and 0 6. 

Assume the total bias current in the opamp, I,0 ,a,, is detennined by a specified 
power dissipation. Derive an equation for the unity-gain frequency in terms of 
K and I,0 ,.,. Then show that the unity-gain frequency is maximized by taking 
K large. 

6.14 Repeat Problem 6.13, but this time show that the de gain is optimized by tak­
ing K large. 

6.15 Derive an equation for the ratio of the unity-gain frequency of the folded­
cascode amplifier of Fig. 6.9 to the unity-gain frequency of the current­
mirror opamp of Fig. 6.11 in terms of K and I,0 ,a, assuming both amplifiers 
have the same size input transistors, total power dissipation, and load capaci­
tances. For the folded-cascade opamp, define K to be I 02/I07 . What is this 
ratio for K equal to 1, 2, and 4? 

6.16 Consider the current-feedback opamp described in Example 6.13, in a feedback 
configuration shown in Fig. 6.12, with C 1 = 1 pF and C2 = Cc = C,oad = 
5 pF . What is the linear settling time for I percent accuracy? 

6.17 For the case described in Example 6.4, and assuming a current-mirror opamp 
described in Example 6.3, also assume the input voltage is a 1-V step change. 
Would the opamp slew rate limit0 If so, how close must the output voltage 
come to its final value before its output voltage rate of change is less than the 
slew rate0 How long would this take? How much longer would be required for 
linear settling to I percent of the total voltage change at the output? 

6.18 What are the single-ended slew rates of the fully differential folded-cascade 
and current-mirror opamps, assuming K = 2 and the current densities are 
the same as those of Example 6.2 and Example 6.3, respectively? Calculate 
the slew rates in both the positive and the negative directions. Assume the 
load capacitances are 10 pF between each output and ground. For the folded-
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cascode design, assume the clamp transistors 0 11 and 0 12 of Fig. 6.13 
have not been included. Also, assume the current sources biasing the output 
stages do not change during transients. 

6.19 Derive the slew rate of the fully differential opamp of Fig. 6.15 in terms of 

CL, K, and Ib;a,· 

6.20 Derive an equation for the unity-gain frequency of the fully differential 
opamp shown in Fig. 6.16 in terms of K and I,otal. 

6.21 Assume the CMFB circuit of Fig. 6.19 has ±2.5 V power supply voltages, 
and that the current sources require 0.5 V across them in order to have all 
transistors remain in the active regions. Ignoring the body effect, what V eft 

bias voltage should be used for the p-channel transistors to maximize signal 
swing? What is the maximum single-ended signal swing before the gain of the 
common-mode feedback circuitry goes to zero and why? 

6.22 Repeat Problem 6.21, but do not ignore the body effect. Assume the n-wells 
of the p-channel transistors are connected to V00 . 

6.23 Derive the low-frequency gain of the current-feedback amplifier of Fig. 6.23 
without assuming that the impedance looking into the emitters of O I and 0 2 
is zero. 

6.24 Consider the circuit shown in Fig. P6.24, where a high-output-impedance 
opamp is used. Capacitor CP is the parasitic capacitance at the opamp input, 
while C0 is the output capacitance. Assuming linear settling, show that the 
optimal value for minimizing the time constant of this circuit is given by 

C,,001 = JMC 0C0 

,~,· l; l 
cp I + c 

= = r 0 

Fig. P6.24 

6.25 Based on the results of Problem 6.24, derive lm;n for M = I, C0 = I pF, 
and C0 = 0.05 pF. Sketch 1 for other values of C I between 0.1 pF and 
I pF. 
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cascode design, assume the clamp transistors Q 11 and Q 12 of Fig. 6.13 
have not been included. Also, assume the current sources biasing the output 
stages do not change during transients. 

6.19 Derive the slew rate of the fully differential opamp of Fig. 6.15 in terms of 
CL, K, and !bias· 

6.20 Derive an equation for the unity-gain frequency of the fully differential 
opamp shown in Fig. 6.16 in terms of K and I,otal. 

6.21 Assume the CMFB circuit of Fig. 6.19 has ±2.5 V power supply voltages, 
and that the current sources require 0.5 V across them in order to have all 
transistors remain in the active regions. Ignoring the body effect, what V eff 

bias voltage should be used for the p-channel transistors to maximize signal 
swing? What is the maximum single-ended signal swing before the gain of the 
common-mode feedback circuitry goes to zero and why? 

6.22 Repeat Problem 6.21, but do not ignore the body effect. Assume the n-wells 
of the p-channel transistors are connected to V DD. 

6.23 Derive the low-frequency gain of the current-feedback amplifier of Fig. 6.23 
without assuming that the impedance looking into the emitters of Q I and Q 2 

is zero. 

6.24 Consider the circuit shown in Fig. P6.24, where a high-output-impedance 
opamp is used. Capacitor CP is the parasitic capacitance at the opamp input, 
while C0 is the output capacitance. Assuming linear settling, show that the 
optimal value for minimizing the time constant of this circuit is given by 

Ci.opt = JMC 0Cp 

,~,· f; l 
c, I + C 

~ ~ r 0 

Fig. P6.24 

6.25 Based on the results of Problem 6.24, derive 'min for M = 1, C 0 = 1 pF, 
and CP = 0.05 pF. Sketch 't forothervaluesofC, between 0.1 pF and 
1 pF. 
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CHAPTER 

Comparators 

Perhaps the second most widely used electronic components (after amplifiers) are 
comparators. A comparator is used to detect whether a signal is greater or smaller than 
zero, or to compare the size of one signal to another. As we will see in Chapter 13, 
comparators are used in large abundance in AID converters. They also find widespread 
use in many other applications, such as data transmission, switching power regulators, 
and others. In this chapter, we look at comparator design and practical limitations, 
where a number of different approaches are discussed. First, we examine a simplistic 

~ 

approach of using an open-loop opamp for a comparator. Although this approach is too 
slow for practical applications, it is a good example to use when we discuss several 
design principles for ~~zin!l i!P~t:CJ_ff_setvojtage all_d_ char_g,:-~n errors. A 
number of other approaches are also described, such as multiple-stage comparators, 
positive-feedback track-and-latch comparators, and fully differential comparators. 
Finally, recent examples of both CMOS and .J,ipolar comparator circuits are also 
described. 

7.1 USING AN OPAMP FOR A COMPARATOR 

A simplistic approach for realizing a comparator is to use an open-loop opamp, as 
shown in Fig. 7.1. The main drawback to this approach is the slow response time 
since the opamp output has to slew a large amount of output voltage and settles too 
slowly. However, temporarily ignoring this slow response time, we will first investi­
gate another problem due to _input_-_offset voHage. 

The simplistic opamp approach shown in Fig. 7.1 has a resolution limited to the 
input-offset voltage of the opamp. This offset might be on the order of 2 mV to 5 mV 
for typical MOS processes, which is inadequate for many applications. An alternative 
architecture that can resolve signals with accuracies much less than the input-offset 
voltages of opamps is shown in Fig. 7.2 [McCreary, 1975; Yee, 1978]. Although this 
circuit has been used many times in early analog-to-digital converters, as we will see, 

vout 

Fig. 7.1 A simplistic approach of using an 
open-loop opamp for a comparator. 

304 
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<1>,a 

<I>, C 

Vin O -a X ,,,..) 
<1>,t Bottom plate 

Fig. 7.2 Cancelling the offset voltage of a comparator-the comparator here must 
be stable, with unity-gain feedback during <1>,a. (<1>,a is a slightly advanced version 
of q> 1 so that charge-injection effects are reduced.) 

it is not preferable nowadays. However, it is a simple example that can be used to 
illustrate many important design principles. The circuit of Fig. 7.2 operates as fol­
lows: During <I>,, known as the reset phase, the bottom plate' of the capacitor C (i.e., 
the left side of capacitor C) is connected to ground, and the top plate is connected to 
the inverting input of the opamp. At the same time, the output of the opamp is also 
connected to the inverting input of the opamp by closing switch S,. Assuming the 
opamp is ideal, this connection causes the capacitor to be charged to zero volts. Next, 
during the comparison phase, the reset switch, S,, is turned off, and the bottom plate 
of the capacitor is connected to the input voltage. The opamp is now in an open-loop 
configuration. If the input signal is greater than zero, the output of the opamp swings 
to a large negative voltage. If the input signal is less than zero, the output of the 
opamp swings to a large positive voltage. These two cases are easily resolved and the 
decision can be stored using a simple digital latch. 

The limitations of this approach become apparent when one considers nonideal 
opamps, which have finite gains and require compensation to be stable during the 
reset phase. 

EXAMPLE 7.1 

Consider the case in which a 0.5-mV signal must be resolved using the circuit 
shown in Fig. 7.2, where the opamp's output should be 5 V. Assuming the 
opamp's unity-gain frequency is 10 MHz, find the maximum clocking rate of 
the comparator circuit if reset and comparison phases are equal and if six time 
constants are allowed for settling. 

Solution 
After the comparison phase, the output of the opamp should have a 5-V dif­
ference between the cases in which the input signal is either -0.25 mV or 

I. The bottom plate of a capacitor has significant parasitic capacitance between it and ground. Therefore, it 
is almost always connected to the less sensitive input side rather than to the critical amplifier side (see 
Chapter 10). 
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IA(w)I 

A0 = 80 dB 1--~ 

L--L---------"---1.- Frequency 
10 = 1 kHz 10MHz 

Fig, 7,3 The open-loop transfer function of the opamp used to 
realize the comparator. 

+0.25 mV. 2 As a result, the opamp gain must be at least 10,000 VIV. By 
assuming that the dominant-pole compensation is used to guarantee stabil­
ity during the reset phase, we obtain an open-loop transfer function for the 
opamp similar to that shown in Fig. 7.3. Here, the -3-dB frequency of the 
opamp is given by 

It 
1_, dB = A 

0 

= 1 kHz (7.1) 

During the comparison phase, the output of the opamp will have a transient 
response similar to that of a first-order system that has a time constant given by 

I 
~ = --- '= 0.16 ms 

21tl_3 dB 
(7.2) 

If six time constants are allowed for settling during the comparison phase, then 
approximately 1 ms is needed for the comparison phase. Assuming the reset 
time is the same as the comparison time, the clock frequency can be no greater 
than 500 Hz -a frequency that is much too slow for most applications. 

One_possibili_ty for ~comparison time is to disconnect the compen­
satio~·ap~citor duri;;g the comparison phase .. For example, it simp°iifiea iipamp -,cbe­
maiic-,s-sFiown ;n Fig. 7.4·_ In this opanijS"; transistor 0 1 is used to achieve lead 
compensation when it is on during the reset phase, <I>,- During the comparison phase, 
0 1 is turned off, which disconnects the compensation capacitor, Cc, thereby greatly 
speeding up the opamp during this phase. Using this technique, it is possible to use 

2. This as~umes that ±2.5-V power supplies are being used and that digital output values are the same as 
the power-supply voltages, as is typical for CMOS. If a single power supply voltage of 5 Vis used. then 
analog ground can be considered to be at 2.5 V. 
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7.1 Using an Opamp for a Comparator 307 

Fig. 7.4 An opamp that has its compensation capacitor disconnected dur­
ing the comparison phase. 

clock frequencies ten to fifty times greater than would otherwise be the case-perhaps 
as high as 25 or 50 kHz in our example. If this is adequate, then the approach is rea­
sonable. Unfortunately, this often isn't adequate, and other approaches, to be de­
scribed shortly, are necessary. 

One superior aspect of the approach just described is that the input capacitor, C in 
Fig. 7.2, is never charged or discharged during operation. Specifically, in phase q,1, C 
is always charged to O V. In phase <I>,, the top plate, connected to the inverting input 
of the opamp. is open-circuited at that time (as/fuming the parasitic capacitors are 
ignored), and the voltage across capacitor C remains at O V (in other words, the top­
plate voltage follows Vin)· This approach greatly minimizes the charge required from 
the input when Vin changes. If the switches attached to the bottom plate had their 
phases interchanged, then the comparison operation would be noninverting, but now 
capacitor C must be charged or discharged during the reset phase since the bottom 
plate follows Vin• whereas the top plate remains at virtual ground. Normally, we like 
to use a reasonably large input capacitor to minimize clock-feedthrough effects 
(described in Section 7.2). This charging/discharging requirement puts severe con­
straints on the input signal source, and, thus, the clock phasing shown in Fig. 7.2 
should be used. Besides, it is usually possible to tolerate an inverting comparison 
since it can be made noninverting through the use of a digital inversion somewhere 
else in the system. 

Input-Offset Vohage Errors 

One source of error is due to the input-offset voltage of the opamp. This input offset 
might be caused by device mismatches or might be inherent in the design of the com­
parator. In switched-capacitor comparators, such as that shown in Fig. 7.2, input off­
set is not a problem since it is stored across the capacitor during the reset phase, and 
then the error is cancelled during the comparison phase. To appreciate this cancella-
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During $1 $1a 

C voff "a s, 

~+ 
Vout 

$, -=- Vott 

voff 

(a) -

During $2 
Vin+ Vo« 

'\t $,a 

$2 C 

Vin O .... I + Vout 
voff 

Vott 

(b) -

Fig. 7.5 The circuit configuration (a) during the reset.,phose, and (b) during the com· 
parison phase, assuming the opamp has an input-offset voltage given by V off. 

tion, assume the opamp has an input-offset voltage error that is modelled as a voltage 
source in series with one of the opamp's inputs. The circuit configuration during the 
reset phase is shown in Fig. 7.5(a). Assuming the opamp gain is very large, then the 
inverting input of the opamp is at the voltage V off, which implies that the input capac­
itor is charged to V off during this phase. Next, during $2, as shown in Fig. 7.5(b), the 
left side of capacitor C is connected to the input voltage. The right side of the capaci­
tor has a voltage given by V;n + V off, which results in the comparator output becom­
ing negative if V;n is greater than zero or positive if V;n is less than zero, regardless of 
the value of V 011 . Not only does this technique eliminate input-offset voltage errors, 
but it also minimizes errors caused by low-frequency 1/f noise, which can be large in 
CMOS microcircuits. 

7.2 CHARGE-INJECTION ERRORS 

Perhaps the major limitation on the resolution of comparators is due to what is 
referred to as charge injection, also commonly called clock feedthrough. This error is 
due to unwanted charges being injected into the circuit when the transistors tum off. 
For the comparator in Fig. 7.2, the switches are normally realized by either n-channel 
transistors alone or CMOS transmission gates (which consist of n-channel transistors 
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in parallel with p-channel transistors, both of which must tum off). When MOS 
switches are on, they operate in the triode region and have zero volts between their 
drain and their source. When MOS switches tum off, charge errors occur by two 
mechanisms. The first is due to the channel charge, which must flow out from the 
channel region of the transistor to the drain and the source junctions.3 The channel 
charge of a transistor that has zero V 08 is given by 

(7.3) 

This charge often dominates. The second charge (typically smaller, unless V elf is 
very small) is due to the overlap capacitance between the gate and the junctions. 

Figure 7.6 shows the comparator of Fig. 7.2, where the switches have been real­
ized as n-channel transistors. Also shown in Fig. 7.6 are Jhe par)!sitic __ capacitances 
due to gate-drain and gate-source overlap capacitors. Finallµlth-;;ugh it is not shown 
in Fig. 7.6, one should remember to include the channel charge dispersion of any tran­
sistors that change from being on to off.4 In the circuit shown, all transistors are n­
channel, implying that the channel charge is negative. 

Consider first when 0 3 turns off. If the clock waveform is very fast, the channel 
charge due to 0 3 will flow equally out through both junctions [Shieh, 1987). The 
Q0 h/2 charge that goes to the output node of the opamp will have very little effect 
other than causing a temporary glitch. However. the Q0 h/2 charge that goes to the 
inverting-input node of the opamp will cause the voltage across C to change, which 
introduces an error. Since this charge is negative, for an n-channe] transistor, the node 

<l>1a 

<1>2 r t -, 
Cav3 

...l... =!= Cov3 -, -, 

.....1_ Covl 
O:t---.:> -, C -

V' V" 

Vout 

Fig. 7.6 The comparator in Fig. 7.2, with n-channel switches and overlap parasitic 
capacitances shown. Transistors turned on also have channel charge. 

3. For a transistor in the triode region that has zero V DS • it doesn't matter which junctions are called the 
drain and the source, since both junctions are at the same potential. 
4. Transistor~ also accumulate channel charge when turning on. but this does not typically affect circuit 
performance since the charge comes from low-impedance nodes. 

,, i ,. 
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voltage V" will become negative. The voltage change due to the channel charge is 
given by 

~V" = = = 
(VDD- V,n)C0 ,W3 L3 

2C 
(7.4) 

since the effective gate-source voltage of a, is given by V eff3 = V GS3 - v,n = 
V DD - v,n. The preceding voltage change in V" is based on the assumption that a, 
turns off slightly after 0 3 turns off. More will be said about this assumption shortly. 

To calculate the change in voltage due to the overlap capacitance, it is first neces­
sary to introduce the capacitor-divider formula. This formula is used to calculate the 
voltage change at the internal node of two series capacitors, when the voltage at one 
of the end terminals changes. This situation is shown in Fig. 7.7, where it is assumed 
that V;n is changing and we want to calculate the change in V out = V c,. The series 
combination of C I and C2 is equal to a single capacitor, Ceq• given by 

C1C2 

Ceq = C1 + C, 

When V;n changes, the charge flow into this equivalent capacitor is given by 

C1C2 
t>Oeq = ti V;nCeq = ti V;"C C 

1+ 2 

(7.5) 

(7.6) 

All of the charge that flows into Ceq is equal to the charge flow into C1, which is also 
equal to the charge flow into C 2• Thus, we have 

t>Oc, 
L'lVout = !>Ve, = -- = c, (7.7) 

This formula is often useful when calculating charge flow in integrated circuits. It 
can be applied to the circuit of Fig. 7.6 to calculate the change in V" due to the 
overlap capacitance of 0 3 when it turns off. For this case, we have C 1 = C 0v, 
C2 = C, and L'lV;n = -(VDD-V88 ). This assumes the clock signals change from 
V DD to V ss. The change in V" due to the overlap capacitance is now found to be 
given by 

ti V" = -(V DD - V sslCov 

Cov+C 
(7.8) 

This change is normally less than that due to the change caused by the channel charge 
since C0 v is small. 

Fig. 7.7 A capacitor divider. 
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Assume that a resolution of ±2_5 m V is required from the circuit of Fig. 7 .6_ The 
following values are given: C = I pF. C0 , = 1.92 fF/(µm) 2

, (W/L), = 
10 µm/0_8 µm, L0v = O_l µm, V,n = 0_8 V, V00 = 2.5 V, and V88 = 
-2.5 V _ What is the change in t,. V" when Q3 turns off? 

Solution 

Using (7.4), we have t,.V" = -13_! mV_ The overlap capacitance is given by 
C0 v = W3 L0 ,C0 , = 1.92 fF_ Using (7_8), this gives a voltage change in t,.V" 
of t,. V" = -9_6 mV, which is smaller than the change due to the channel 
charge, but not insignificant_ The total change is found by adding the two effects 
so that t,. V" = -22_7 mV_ 

This result is on the order of 10 times greater than the value of ±2.5 m V 
that should be resolved_ Clearly, additional measures should be taken to mini­
mize the effects of charge injection if this resolution is required_ 

Making Charge-Injection Signal Independent 

The charge injection due to transistors Q I and Q 2 may cause temporary glitches, 
but it will have much less effect than the charge..injection due to Q 3 if we assume 
that 0 2 turns off slightly after Q 3 does [Haigh, 1983 J- This time difference is the 
reason why the clock voltage of Q 2 is denoted <I>,, whereas the clock voltage of Q 3 
is denoted <l>ia ( <p 1 advanced). The argument for this arrangement is slightly compli­
cated, but goes as follows: When Q 2 turns off, its charge injection causes a negative 
glitch at V', but this will not cause any change in the charge stored in C since the 
right side of C is connected to an effective open circuit, assuming that Q3 has 
already turned off_ Later, when Q 1 turns on, the voltage V' will settle to V;n 
regardless of the previous charge injection of Q2 _ Thus, the voltage at the left of C 
is unaffected by the charge injection of Q2 , and the voltage across C is also unaf­
fected by the charge injection of Q 2 _ Therefore, the voltage V" is unaffected by the 
charge injection of Q 2 . This is not the case if Q2 is turned off at the same time or 
before 0 3 is turned off. The charge injection of Q I has no effect for a simpler rea­
son-the comparison has already been made when it turns off. In addition, its charge 
injection has no effect when it turns on because the right side of C is connected to 
an open circuit at that time, assuming the clocks do not overlap_ In summary, by 
turning off <l>ta first, the circuit is affecte__cl_on)y_/z}'_Jlj_g__s:haf$_£inj_ection oj__Q1 _driil__ ;~ - - ------~- ------- - ----- --
'r~fly"oftlie other switches_ 

-- hg. 7.8 shows,fsilltplc digital circuit, originally developed by ope of the authors 
[Martin, 1980], that is capable of generating the desired clock waveforms_ The wave­
forms <I> 1 and <I> 1 a do not overlap with <p 2 and <1>,a- Also, <I> 1 a will be advanced 
slightly (by two inverter delays), compared to <l>i-
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Fig. 7.8 A clock generator suitable for generating the 
desired clock waveforms for the comparator in Fig. 
7.2. 

Minimizing Errors Due to Charge Injection 

The simplest way to reduce errors due to charge injection is to use larger capacitors. 
For our previous example. capacitors on the order of about 100 pF guarantee that the 
clock-feedthrough errors are less than 0.5 mV. Unfortunately, this large amount of 
capacitance would require a large amount of silicon area. Also, integrated capacitors 
have parasitic capacitances between the bottom plate and the substrate that might be 
about 20 percent of the size of the realized capacitor. Thus, a bottom plate capacitance 
of about 20 pF would have to be driven by the Kiput circuits. which would greatly 
slow down the circuits. 

An alternative approach for minimizing errors due to charge injection is to use 
fully differential design techniques for comparators. similar to what is often done for 
opamps. A simple example of a one-stage. switched-capacitor, fully differential com­
parator is shown in Fig. 7.9. Ideally, when the comparator is taken out of reset mode, 

<1'2 

..i 

+ 

Vin 

<1'2 -
..i 

C 

f-0 <j, 1 

C 
f-0 <1'1 

0 030 

<1'1a 

+ 

vout 

Fig. 7.9 A fully differential, single-stage, switched-capacitor 
comparator. 
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the clock feedthrough of reset switch 0 3a matches the clock feedthrough of Q3b· In 
this case, the common-mode voltage may be slightly affected, but the differential 
input voltage is unaffected. The only errors now are due to mismatches in the clock 
feedthrough of the two switches, which will typically be at least ten times smaller than 
in the single-ended case. For this reason, virtually all modern integrated comparators 
utilize fully differential design techniques. 

A third alternative that can be used along with fully differential design techniques 
is to realize a multi-stage comparator [Poujois, 1978; Vittoz, 1985], where the clock 
feedthrough of the first stage is stored on coupling capacitors between the first and 
second stage, thereby eliminating its effect. The clock feedthrough of the second stage 
can be stored on the coupling capacitors between the second and the third stages, and 
so on. Although this technique is almost always used along with fully differential con­
figurations, we will explain the technique using single-ended configurations, for sim­
plicity. Consider the three-stage comparator shown in Fig. 7.lO(a), along with the 
appropriate clock waveforms shown in Fig. 7. IO(b). Consider the time when <1>; drops 
and the switch of the first stage has charge injection. Figure 7 .11 illustrates this case, 
along with the parasitic capacitances of the first-stage switch. When <1>; drops, 0 1 
injects charge into both the inverting input and the output of the first stage through 
parasitic capacitors Cp, and Cpz, respectively. The charge injected at the first stage 

<t>i, 
4>1' 

<1>;" 
V $2 c, 

'" c-o-JT 2 c, 
vout 

- -
(a) -

$, 

$; 

4>1' 

q>;" 

$, 

(b) 

Fig. 7.10 (a) A multi-stage comparator used to eliminate clock feedthrough errors, with (b) the appropri­
ate clock waveforms. 

327 of 720



314 Chapter 7 • Comparators 

Voo 
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~ _____r-

e, ,,r /~ C2 

OA1 

Negative 
charge 
injection 

Fig. 7.11 The first stage of the comparator in Fig. 7.10, when the first stoge is injecting 
charge. 

output causes only a temporary glitch there. The charge injected at the inverting input 
causes this node to become negative. The amount by which this node voltage becomes 
negative is calculated using the analysis method described previously. In any practical 
case, this amount will be in the range of tens of millivolts, assuming that coupling 
capacitors of around I pF are used. After the inverting input becomes negative, the 
output of the first stage becomes positive by an-amount equal to the negative transi­
tion of the inverting input multiplied by the first stage's gain. However, at this time, 
cp;' is still high. Therefore, the second stage is still being reset and C 2 is charged up 
to the output error caused by the clock feedthrough of the first stage, thereby eliminat­
ing its effect. In a similar manner, when cp;' turns off and the second stage goes from 
closed-loop reset mode to open-loop comparison mode, the third stage is still in reset 
mode and the clock feedthrough of the second stage is stored on coupling capacitor 
C 3• Finally, when the third stage turns off, its charge injection is not cancelled. How­
ever, the error it causes in resolving an input voltage to all three stages is equal to the 
voltage transition at the inverting input of the third stage divided by the negative of 
the gains of the first two stages (i.e., this is the input voltage needed to cancel the 
effect of the clock feedthrough of the third stage coming out of reset mode). 

In a variation on this multi-stage approach [Poujois, 1978], the first stage was not 
reset. However, the input-offset voltage of the first stage was still cancelled by storing 
it on coupling capacitors between the first and second stage during a reset mode. This 
approach is described Section 7.4. 

EXAMPLE 7.3 

Assume all capacitors are I pF, transistor sizes are W/L = 10 µm/0.8 µm, 
C 0, = l.92 fF/(µm)'. L0 , = 0.1 µm, V,, = 0.8 V, V00 = 2.5 V, and 
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V ss = -2.5 V, and each stage has a gain of 20. What is the input-offset voltage 
error caused by the clock feedthrough of the third stage when the third stage 
comes out of reset? 

Solution 

The values used are identical to those used in Exa_mple 7 .2. Therefore, the 
charge injection at the inverting input of the third stage is the same as that found 
in the solution to Example 7.2, or -22.7 mV. The input signal that can over­
come this 22.7 mV value is given by 

/J.V = 22.7 mV = 57 µV 
,n A1A?. (7.9) 

Thus, the equivalent input-offset voltage is 57 µ V, which is much less than the 
resolution found in Example 7.2 of 22.7 mV. 

Speed of Multi-Stage Comparators 

The approach just described can be used to realize very-high-resolution comparators, 
especially when it is combined with fully differential circuit design techniques. How­
ever, this approach does have the limitation that it requires multiple-phase clock 
waveforms, which slow down the circuits. 

Although the multi-stage approach is limited in. speed due to the need for the sig­
nal to propagate through all the stages, it can still be reasonably fast because each of 
the individual stages can be made to operate fast. Typically, each stage consists of a 
single-stage amplifier that has only a 90° phase shift and therefore does not need 
compensation capacitors (i.e., each stage has a 90° phase margin without compensa­
tion). To see why this multi-stage approach can be fast, consider the simplified case of 
a cascade of first-order, uncompensated inverters, as shown in Fig. 7.12. This circuit 
is a very rough approximation of a multi-stage comparator when it is not being reset. 
The parasitic load capacitance at the output of the ith stage is approximately given by 

v,, o----j 

-=- c,, =!= 
Fig. 7.12 Realizing a comparator by using a cascade of first-order gain 
stages. 

(7.10) 

329 of 720



316 Chapter 7 • Comparators 

where C 0 _; is the output capacitance of the ith stage, which would normally be due to 
junction capacitance, and Cgs-i+J is the gate-source capacitance of the input transistor 
of the succeeding stage. Equation (7. I 0) will not necessarily be true for the last stage, 
but the load of the last stage should be of the same magnitude. If one assumes the 
stages are matched, then normally C0_; < C 95 _;+ 1 since junction capacitances are usu­
ally less than gate-source capacitances, implying that one can usually assume 

C 0; < 2C95_; (7.11) 

The unity-gain frequency of a single stage is then on the order of 

9mi co1; - -- (7_12) 
2C95_; 

or larger, where 9m; is the transconductance of the input capacitor of the i th stage. 
Thus, the unity-gain frequency of a single gain-stage is on the order of one-half the 
unity-gain frequency of a single transistor. If one assumes the ith stage has a de gain 
A0 _; and that the ith stage is well described by a first-order transfer function, then the 
transfer function of a single stage is approximately given by 

(7.13) 

where 

C01-i 9mi co
0

_; = (7.14) 
Ao_; 2Ao-!_Ggs-; 

Thus, the -3-dB frequency of a single stage is on the order of one-half the unity-gain 
frequency of a transistor divided by the gain of the stage. If one has a cascade of n 
stages, then the overall transfer function is given by 

A,01a1(S) = TI A;(S) (7.15) 

This result can be approximated by a first-order transfer function, where all higher­
order terms are ignored, resulting in 

A" 
0 

I +ns/co0_; 

Thus, a cascade of n stages has a time constant approximately given by 

2nA0C95 
'ttotal = = 2 n Ao "tT 

9m 

(7.16) 

(7.17) 

where "tr = C 95 /gm is the approximate transit time of a single transistor (i.e., I over 
the unity-gain frequency of a single transistor). In other words, the time constant of 
the cascade of first-order stages is approximately equal to n times the time constant 
of a single stage, which is roughly given by 2A0 times the transit time of a single tran­
sistor. This result should be compared to using a single opamp, which, for the same 
overall gain, will have a time constant considerably greater than 2 A~ times the transit 
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time of a single transistor. Although the preceding speed estimate is valid for simple 
single-ended stages only, the general principles apply to more complicated, fully dif­
ferential stages as long as each stage is first order and doesn't require compensation. 

Equation (7.17) can be simplified further. Recall from Chapter 2 that 

2 
Cg, = 3C0 ,WL (7.18) 

for a transistor in the active region, and that 

(7 .19) 

We can substitute (7.18) and (7 .19) into (7 .17), and, after simple manipulation, arrive at 

where, again from Chapter 2, 

veff = 
2I0 

~nA0 L2 

3 µn V eff 

µnCo,(W/L) 

(7.20) 

(7.21) 

Equation (7.20) is very useful in quickly accessing the speed and resolution capabili­
ties of a given technology. It also gives some insight into designing comparators. 
First, the effective gate-source voltages of input drivers of each stage should be as 
large as possible. Second, the widths of the transistors are relatively unimportant, 
assuming they are large enough so that Cg, dominates parasitic capacitances due to 
interconnect and external loading. 

EXAMPLE 7,4 

Assume for a 0.8-µm technology that A0 = 20, n = 3, V eff = 0.5 V, and 
µ 0 = 0.05 M

2 
/V · s. What is the maximum clocking frequency of the compar­

ator? 

Solution 

Using (7.20), we have Ttotal = 4.1 ns. If we assume that 3T is required for each 
half period, then a complete period requires 6T, which corresponds to a clock­
ing frequency of 40.1 MHz. The resolution is on the order of 5 V /A~= 0.625 
mV. This corresponds fairly closely to state-of-the-art realized comparators in a 
0.8-µm technology. 

7,3 LATCHED COMPARATORS 

Modem high-speed comparators typically have one or two stages of preamplification 
followed by a track-and-latch stage, as Fig. 7.13 [Yukawa, 1985] shows in simplified 
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V11,h ol 

Preamplifier stage Track-and-latch stage 

Fig. 7.13 A typical architecture for a high-speed comparator. 

form for a CMOS implementation. The rationale behind this architecture is as follows: 
The preamplifier or preamplifiers are used to obtain higher resolution and to minimize 
the effects of kickback (which will be explained shortly). The output of the preampli­
fier, although larger than the comparator input, is still much smaller than the voltage 
levels needed to drive digital circuitry. The track-and-latch stage then amplifies this 
signal further during the track phase, and then amplifies it again during the latch­
phase, when positive feedback is enabled. The positive feedback regenerates the ana­
log signal into a full-scale digital signal. The track-and-latch stage minimizes the total 
number of gain stages required, even when good resolution is needed, and, thus, is 
faster than the multi-stage approach just described. 

The preamplifier typically has some gain, perhaps 4 to 10, although sometimes it 
may simply be a unity-gain buffer, if very high speed but only moderate resolution is 
required. The preamplifier usually does not have gains much greater than 10; other­
wise its time constant is too large and its speed is limited. It is not good practice to 
eliminate 11\e preamplifier altogether since kickback into the driving circuitry will 
then result in very limited accuracy.@ckbachdenotes the charge transfer either into 
or out of the inputs when the track-and-latch stage goes from track mode to latch 
mode. This charge transfer is caused by the charge needed to tum the transistors in the 
positive-feedback circuitry on and by the charge that must be removed to turn transis­
tors in the tracking circuitry off. Without a preamplifier or buffer, this kickback will 
enter the driving circuitry and cause very large glitches, especially in the case when 
the impedances seen looking into the two inputs are not perfectly matched. 

In high-resolution applications, capacitive coupling and reset switches are also 
typically included to eliminate any input-offset-voltage and clock-feedthrough errors, 
in a manner similar to that described in Sections 7.1 and 7.2. 

One very important consideration for comparators is to ensure that no memory is 
transferred from one decision cycle to the next. For example, if a comparator toggles 
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in one direction, it might have a tendency to stay in that direction. This tendency is 
sometimes called hysteresis. In order to eliminate it, one can reset the different stages 
before entering track mode. This might be achieved by connecting internal nodes to 
one of the power supplies or by connecting differential nodes together using switches 
before entering track mode. For example, the comparator shown in Fig. 7.13 has inter­
nal nodes of the latch reset to both V 00 and ground when lhe Vitch signal is low. Not 
only does this eliminate memory, but it also sets the comparator to its trip point, 
which speeds up operation when the comparator resolves small input signals. 

Another consideration for comparators is that the gain should not be too larg_<e;. oth­
erwise the time constants are too large, which limits the speed; especially in track mode. 

The track-and-latch stage has many variations. The circuitry shown in Fig. 7.13 
should be considered only symbolic, although it will suffice in many applications. 

Latch-Mode Time Constant 

The time constant of the latch, when it is in its positive-feedback (i.e., latch) phase, 
can be found by analyzing a simplified circuit consisting of two back-to-back invert­
ers, such as those shown in Fig. 7 .14. If we assume that the output voltages of the 
inverters are close to each other at the beginning of the latch phase, and that the invert­
ers are in their linear range, then each of the inverters can be modelled as a voltage­
controlled current source driving an RC load, as shown in Fig. 7.15, where Av is the 
low-frequency gain of each inverter, which has a transconductance given by 
Gm = Av/RL. For this linearized model, we have 

v, V, Fig. 7.14 Two back-to-back inverters 
used as a simplified model of a track-ond­
latch stage in its latch phase. 

Fig. 7. I 5 A linearized model of the 
track-and.latch stage when it is in its 
latch phase. 

(7.22) 
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and 

;~v, = -cL(d~y)-(~:J (7.23) 

Multiplying (7.22) and (7.23) by RL and rearranging gives 

(dV,) 
-r di + V, = -Av Vy (7.24) 

and 

(dVy) 
-r di + Vy = -AvV, (7.25) 

where -r = RL CL is the time constant at the output node of each inverter. Subtracting 
(7.25) from (7.24) and rearranging terms gives 

(-'-J(dtW)- f'..V (7.26) 
Av- 1 di 

where /\. V = V, - VY is the voltage difference between the output voltages of the 
inverters. Equation (7.26) is a first-order differential equation with no forcing func­
tion. Its solution is given by 

(7.27) 

where /\.VO is the initial voltage difference at thl' beginning of the latch phase. Thus, 
the voltage difference increases exponentially in time with a time constant given by 

't RLCL CL 
'Itch = Av - 1 = -;;; = Gm 

(7.28) 

where, again, Gm = Av/RL is the transconductance of each inverter. Note that 'Itch 

is roughly equal to the inverse of the unity-gain frequency of each inverter. 
In the case of MOS devices, normally the output load is proportional to the gate­

source capacitance of a single transistor. or specifically, 

(7.29) 

Here, K1 is a proportionality constant between 1 and 2. Also, the inverter transcon­
ductance is proportional to the transconductance of a single transistor, and is given by 

(7.30) 

where K2 might be between 0.5 and 1. Substituting (7.29) and (7.30) into (7.28) gives 

K, L2 L2 

'Itch = --- = Ki-- (7.31) 
K,µ,Veff µ,Veff 

where K3 might be between 2 and 4. Note that (7.31) implies that 'Itch depends pri­
marily on the technology and not on the design (assuming a reasonable design is used 
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that maximizes V elf and minimizes CL). Note also the similarity between (7 .31) and 
(7.20), the equation for the time constant of a cascade of gain stages. For a given tech­
nology, (7 .31) is very useful in determining a rough estimate for the maximum clock 
frequency of a latch-and-track comparator. 

If it is necessary for a voltage difference of I'. V,09,c to be obtained in order for suc­
ceeding logic circuitry to safely recognize the correct output value, then, by using 
(7.27), we find the time necessary for this to happen is given by 

(7.32) 

If I'. VO is small, this latch time can be large, perhaps larger than the allowed time for 
the latch phase. Such an occurrence is often referred to as metastability. In other 
words, because its initial value is too small, the differential output voltage of the latch 
does not increase enough to be recognized as the correct logic value by succeeding 
circuitry. Sometimes, even when the initial voltage difference is large enough, it is 
possible that circuit noise can cause the initial voltage difference to become small 
enough to cause metastability. 

EXAMPLE 7.5 

Assume for a 0.8-µm technology that K3 = 2.5, t.V0 = 10 mV, t.V,09,c = 
2 V, V0 u = 0.5 V, and µn = 0.05 M2/V~ s. What is the maximum clocking 
frequency of the comparator? 

Solution 
Using (7.32), we have Titch = 0.34 ns. Assuming this is half the total period 
(which might be quite an optimistic assumption), the smallest possible period 
for a track-and-latch might be 0.68 ns, which corresponds to a clocking fre­
quency of 1.5 GHz. In a typical comparator, the maximum clock rate would 
probably be limited by the frequency response of the preamplifiers and the 
track-and-latch during the track phase, rather than by the speed of the latch dur­
ing the latch phase. 

7.4 EXAMPLES OF CMOS AND BiCMOS COMPARATORS 

This section describes a number of high-speed comparators that are currently popular. 
The literature on integrated circuit technology has many examples of latched 

comparators. For example, Fig. 7.16 shows a comparator presented in [Song, 1990]. 
This comparator has the positive feedback of the second stage always enabled. In track 
mode, when the two diode-connected transistors of the gain stage are enabled, the gain 
around the positive-feedback loop is less than one, and the circuit is stable. The com­
bination of the diode-connected transistors of the gain stage and the transistors of the 
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Preamp Gain stage 

-------o+ 
vout 

Positive feedback 

Fig. 7.16 A two-stage comparator that has a preamplifier and a positive-feedback track-and­
latch stage. 

positive-feedback loop acts as a moderately large impedance and gives gain from the 
preamplifier stage to the track-and-latch stage. The diode-connected loads of the 
preamplifier stage give a limited amount of gain in order to maximize speed, while 
still buffering the kickback from the input circuitry. 

A second comparator is shown in Fig. 7. I 7 [Norsworthy, 1989]. This design also 
uses diode-connected loads to keep all nodes at relatively low impedance (similar to 
current-mode circuit-design techniques), thereby keeping all node time constants 
small and giving fast operation. This design also uses precharging to eliminate any 
memory from the previous decision. For example, the positive-feedback stage is pre­
charged low, whereas the digital-restoration stage is precharged high, somewhat simi­
lar to what is done in Domino CMOS logic [Krambeck, 1982]. 

A third comparator was designed, fabricated, and characterized by K. Martin in 
1984 (unpublished) and is shown in Fig. 7.18, with appropriate clock waveforms 
shown in Fig. 7.19. This design eliminates any input-offset voltages from both the 
first and second stages by using capacitive coupling. It also has common-mode feed­
back circuitry for the first preamplifier stage, which allows for input signals that have 
large common-mode signals. Unlike in fully differential opamps, in fully differential 
comparators, the linearity of the common-mode feedback circuitry is noncritical 
since, whenever large signals are present (and the common-mode feedback circuitry 
becomes nonlinear), there is no ambiguity in resolving the sign of the input signal. 
This allows a simple differential pair to be used for CMFB circuitry. Measured (but 
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Positive feedback 

Latch o--j 

vout 

+ 

Digital signal­
level restoration 

Fig. 7.17 A two-stage comparator. 

unpublished) performance of this circuit resulted in a 0.1-mV resolution at a 2-MHz 
clock frequency. despite a very old 5-µm technology. The performance measured was 
limited by the test set-up rather than by the circuitry. 

A fourth comparator that is realized in a BiCMOS technology and that exhibits 
very good performance, is described in [Razavi, 1992]. Indeed, this comparator is one 
of the better BiCMOS designs to date. It is based on the idea that it is not necessary to 
reset the first stage; the input-offset errors of the first stage can still be eliminated by 
resetting the right side of the coupling capacitors between the first stage and the sec­
ond stage, assuming that the gain of the first stage is not too large [Poujois, 1978], 
[Vittoz, 1985]. A simplified schematic of this comparator is shown in Fig. 7.20. Dur­
ing the reset phase, the inputs to the preamplifier are connected directly to ground ( or 
to a reference voltage). and the outputs of the coupling capacitors are connected to 
ground as well. This stores any offset voltages of the first stage on the capacitors. 
When the comparator is taken out of reset phase, then the effect of the clock 
feedthrough of S 5 and S 6 on the input resolution is divided by the gain of the first 
stage. In the realization described in [Razavi, 1992], the first stage is a BiCMOS 

i' 
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C1. r 
+o----/0 X I ~ 

V;~o-_~ !----+-+-----

$, C10 

c,. 

First switched-capacitor 
gain stage 

Second gain stage 

T"' 0---, 

First-stage common-mode 
feedback 

c,. Positive feedback 
stage 

Fig. 7.18 A two-stage comparator With capacitive coupling to eliminate input<>ffset 
voltage and clock-feedthrough errors, along with positive feedback for last operation. 

preamplifier, consisting of MOS source followers followed by a bipolar differential 
amplifier and emitter-follower output buffers, as shown in Fig. 7.21. Notice that the 
circuit operates between ground and a negative voltage supply. Note also that the 
switches are realized using p-channel transistors. The track-and-latch stage has both a 
bipolar latch and a CMOS latch, as shown in Fig. 7 .22. During the reset phase, <I>, is 
low and q> 2 is high, X 1 and Y 1 are connected to ground through switches M 1 and M2, 

C
1 

is discharged to the minus supply through M 11 , and X2 and Y 2 are discharged to 
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Fig. 7.19 The clock waveforms required by the com­
parator in Fig. 7. 18. 

T T 
~ 

s, $, Ss $1 

+ qi, 
Vin 

- S2 o-----=--c 
qil s,_t, s,_r, 

Positive- + 
feedback vout 
latch 

Fig. 7.20 A simplified schematic of the comparator described in [Razavi, 1992]. 

Fig. 7.21 A BiCMOS preamplifier. 

jl 
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x, 

M, 

v;ut o--o< 

$, $, 
!1.. M1 M2 !1.. Y, 

Fig. 7.22 The BiCMOS track-and-latch stage in [Razavi, 1992]. 

the minus supply through M9 and M 10. Also, at this time, M 3 and M4 are off. Next, 
<1> 1 becomes high, which leaves X1 and Y 1 floating and connects the outputs of the 
preamplifier to its input signal. After a short delay, which is needed for the transient 
response of the preamplifier, <!> 2 becomes low, which turns on M 12 , thereby activating 
the positive feedback action of Q 5 and Q 6 • This develops a differential voltage 
between X1 and Y1 of about 200 mV, since C 3 is about one-fifth the size of C 1 and 
C 2 • The offset of this bipolar latch is quite small, typically on the order of one milli­
volt or less. Also note that, when activated, the only power dissipated is that required 
to charge C 3-there is no de power dissipation. A short time after the bipolar latch is 
activated, the inverter connected to C3 changes state, and its output voltage will drop. 
This low voltage turns on M 3 and M4 , which activates the CMOS part of the latch con­
sisting of cross-coupled M5 and M6 and cross-coupled M7 and M8. The reasons for 
including cross-coupled M5 and M6 are to prevent nodes X1 and Y 1 from being dis­
charged very far from ground toward the minus power supply and at the same time to 
amplify the 200-mV difference signal developed by the bipolar latch to almost a full­
level CMOS voltage change. Thus, the latch is accurate, relatively fast, and low 
power. Also described in [Razavi, 1992] is an interesting CMOS-only comparator, 
which is not described here, but which interested readers may investigate. 

lnput-T ransistor Charge Trapping 

When realizing very accurate CM OS comparators, an error mechanism that must be 
considered is charge trapping in the gate oxide of the input transistors of the MOS 
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.__ p-channel 
inputs with 
small hysteresis 

Small bias 
.-- currents 

viu, 

Fig. 7.23 A comparator with little hysteresis. (Hysteresis is caused by charge 
trapping.) 

comparators [Tewksbury, 1989]. When n-channel transistors are stressed with large 
positive gate voltages, electrons can become trapped via a tunneling mechanism in 
which electrons tunnel to oxide traps close to the conduction band. The time constant 
for the release of these trapped electrons is on the order of milliseconds and is much 
longer than the time it takes for them to become trapped. During the time they are 
trapped, the effective transistor threshold voltage is increased. This leads to a compar­
ator hysteresis on the order of0.1 to I mV. This effect correlates well with transistor 
1/f noise and is much smaller in p -channel transistors. When very accurate compara­
tors are needed, charge trapping must be considered and minimized. One possible 
means of minimizing this effect, assuming we have a BiCMOS technology, is 
described in [Miller, 1990] and is illustrated in Fig. 7.23. A BiCMOS technology 
allows diodes to be used in the input stage, which allows the inclusion of two addi­
tional small-current sources in the input stage; this guarantees that the p-channel input 
transistors never tum off. 5 Also, by using p-channel input transistors, the charge trap­
ping is greatly minimized because pCchannel transistors exhibit much less hysteresis 
than n-channel transistors. 

An alternative approach is to flush the input transistors after each use where the 
junctions and wells of n-channel transistors are connected to a positive power supply 
whereas the gates are connected to a negative power supply. This effectively elimi­
nates the trapped electrons [Swanson, 1993]. Alternatively, or in addition, two input 
stages can be used for the comparator~a rough stage can be used during times when 

5. p-channel transistors exhibit trapping for po~itive gate voltages since only electrons, and not holes, are 
trapped. Therefore, to prevent trapping, they should never be turned off. 
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large signals with overloads are possible, whereas a fine stage can be used during 
times when accurate comparisons are necessary and it can be guaranteed that no large 
signals are present [Swanson, 1993; Tan, 1990]. 

7.5 EXAMPLES OF BIPOLAR COMPARATORS 

High-speed bipolar comparators are typically latched comparators, as shown previ­
ously in Fig. 7.13, where preamplifier and track-and-latch stages are used. A typi­
cal example is shown in Fig. 7 .24 [W akimoto, 1988]. The preamplifier is a simple 
differential amplifier that might have a gain of around 5. Besides increasing the 
resolution, this preamplifier helps to eliminate kickback from the track-and-latch 
stage. The track-and-latch stage is very similar to a current-mode digital latch. Dur­
ing track phase, the differential pair consisting of transistors a, and a. is 
enabled and operates as a second differential amplifier. When latch mode is 
enabled, 12 is diverted to the differential pair consisting of 0 5 and 0 6. The 
inputs to this third differential pair come from the outputs of the second differential 
pair through emitter-follower buffers consisting of Q9 and Q 10 . The outputs of the 
third differential pair are connected back to the high-impedance output nodes in a 
cross-coupled manner so that positive feedback results. When this positive feed­
back is enabled, it takes the initially-small differential voltage and quickly ampli­
fies it to between 0.4 and 0.6 V (depending on the logic levels being used). There 
are two reasons for using the emitter-follower buffers. These buffers isolate the 

R, 

a, 

I, 

'--...---' 
Preamplifier 

Track-and-latch stage 

Fig. 7.24 A typical bipolar comporotor. 

342 of 720



7.5 Examples of Bipolar Comparators 329 

high-impedance nodes at the collectors of the second and third differential pairs 
from the base-emitter capacitances of the third differential pair. They also isolate 
the same high impedance nodes from the output load capacitance. 

Another architecture for a bipolar comparator is shown in Fig. 7.25 [Van de 
Plassche, 1988]. In this comparator, the input signals go to a differential pair that is 
always turned on (even during the latch phase). During the track phase, 0 3 and 0 4 

are on. They operate as common-base transistors, and therefore the comparator oper­
ates as a cascode amplifier during this phase. When the comparator goes into latch 
mode, the collector current from the input transistors is redirected from the common­
base transistors to transistors 0 7 and 0 8 , which are connected in a positive-feedback 
loop. Since the bias current of the input transistors is never turned off, the kickback 
from them is greatly reduced without adding additional preamplifier stages. This max­
imizes the bandwidth during the tracking phase. 

A third bipolar comparator is shown in Fig. 7.26. Although this comparator has 
never been experimentally tested, it is used as an example to illustrate many compara­
tor design principles. A small current source is added to the tracking differential pair 
so that this differential pair doesn't turn off completely when the comparator is in 
hold mode. This makes the comparator faster when it goes from hold mode into track 
mode. Also, a cascade common-base stage is added just below the output voltages. 
This stage is used to isolate the outputs from the positive-feedback loop. This in turn 
allows for much smaller resistors to be used in the positive-feedback loop, which 
speeds this loop up and eliminates the need for emitter-follower buffers in the loop. 
Finally, a larger resistor is added between the emitters of the cascode transistors. This 
resistor prevents the cascade transistors from turning off completely during the latch 
phase, which also speeds up the transition from latch mode to tracking mode. 

a, a. 

a, 

Fig, 7.25 A second bipolar comparator. 
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Moderately 
small 
resistors 

Small bias 
current to 
prevent 
transistors 
turning off 

Preamp 
or 
buffer 

/ 
Fig. 7.26 A third bipolar comparator. 
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7.7 PROBLEMS 

Unless otherwise stated, assume the following: 

• n -channel MOS transistors: 
2 

µ 0 C 0 x = 92 µA/V 
V10 = 0.8 V 
y = 0.5 yl/2 

rd, (Q) = 8000 L (µm)/I 0 (mA) in active region 
-4 2 

Ci = 2.4 x 10 pF/(µm) 
C 

-4 
i-sw = 2.0x 10 pF/µm 

Cox= 1.9 X 10-3 pF/(µm) 2 

Cgs(ovenap) = Cgd(ovenap) = 2.0 X 10-4 pF/µm 

• p-channel MOS transistors: 
µpCox = 30 µA/V

2 

V1P = -0.9 V 

y = o.8 v 112 

r ds (Q) = 12,000 L (µm)/I 0 (mA) in active region 
-4 2 

Ci= 4.5 x 10 pF/(µm) 
-4 

Ci-sw = 2.5 X 10 pF/µm 
C ~ 2 

ox= 1.9 X 10 pF/(µm) 
Cgs(ove,lap) = Cgd(ovenap) = 2.0 X 10-

4 
pF /µm 

7.1 A simple CMOS inverter is used as a comparator, as shown in Fig. P7.l. 
Assume $,a drops before $ 1 drops, so that only the charge injection from 0 1 

need be considered. What is the change in V out due to this charge injection? 

345 of 720



332 Chapter 7 • Comparators 

Assume the transistors in the inverter have sizes chosen such that the inverter 
threshold voltage is at V 00/2 = 2.5 V (i.e., W 5/W 4 = µnlµp ), and that all 
transistor lengths are 0.8 µm. Also assume the inverter gain is -24 at 
V out = 2.5 V, and ignore overlap capacitance. Do not ignore the body effect 
On the threshold VOitage of QI . 

<I>, 
.£. 

Sµm 
c, 

a, 
<I>, o-j 1 pf 

5 µm -=-
Fig, P7, 1 

92 µm 
sv 

,--~~~-,IC: a, 
<l>1a 

.£. 
Sµm V ~~-------_,, °"' 

01 1 pf 

30µm 
a, I c, 

-

7 ,2 Assume that three stages of inverters identical to the inverter used in Problem 
7.1 are cascaded as shown in Fig. 7.10. What is the input-voltage offset error 
due to the charge injection of the reset switch of the last stage only? 

7,3 Estimate the time constant for the inverter use.I in Problem 7.1 during its reset 
phase and also during its comparison phase. 

7.4 For the circuit shown in Fig. 7.10, find the voltages at each of the opamp inputs 
at the end of <1>;, <I>~, <I>(, <p 1, and <I>,, where V; is the input and V err·; is the 
error due to the reset switch of the ith opamp. Assume opamps are offset free 
and that they remain in their linear region after their reset switch is opened. 
Show that the overall input-referred clock feedthrough is given by 
IV err-31 I (A1 A,). 

7.5 Repeat Problem 7.4 where offsets of the opamps are not ignored. What is the 
input-referred offset and clock feedthrough? 

7.6 Assume a MOS transistor's unity-gain frequency is approximately given by 
ffiu = 9m/C9,. Find an expression for ro, in terms of V elf and C 0 x. Assume 
a single gain stage without compensation has a unity-gain frequency given by 
ro1 = rou/2. Further assume that a comparator is realized by a cascade of 
three stages, each having a gain of -15. If three time constants are required for 
settling during the open-loop comparison phase, what is the maximum fre­
quency of operation for the comparator? What is the resolution? You may 
assume that V elf = 0.25 V, µn = 0.05 M2 /V · s, and that there are only 
n-channel transistors in the signal path. 

7.7 Give reasonable device widths of the comparator in Fig. 7.16 so that the first 
stage has a gain of 5 and so that the latch-and-track stage has a gain of 10 when 
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in track mode and a loop gain of 4 when in latch mode. Assume the input tran­
sistors are 25-µm wide and that the bias current of the first stage is 0.1 mA . 

7.8 Assume the comparator of Fig. 7 .16 has the device sizes found in Problem 7. 7. 
Estimate the equivalent time constant when the comparator is in track mode. If 
the input signal changes from O to 5 m V at time 0, how long would it take the 
differential output voltage to change by 50 m V? 

7.9 Consider the comparator in Fig. 7.16 with the device sizes found in Problem 
7.7. Estimate the equivalent time constant of the latch-and-track stage when the 
comparator is in latch mode. If the differential output voltage is 50 m Vat the 
beginning of the latch phase, how long would it take for the output voltage to 
change to a differential voltage of 2 yo 

7.10 What is the minimum power-supply voltage that can be used for the comparator 
in Fig. 7 .25 if the current source and the resistive loads both require 0.4 V across 
them? You may assume that for the bipolar transistors V CE-sat = 0.3 V. 

7.11 The CMOS transmission gate shown has an input voltage of 2.5 V when it turns 
off. The W/L of then-channel is 5 µm/0.8 µm and the W/L of the p-channel is 
15 µm/0.8 µm. Assume the total parasitic capacitance between the output node 
and ground is 50 fF, V DD = 5 V, and that the clock signals change very fast. Also 
ignore changes due to overlap capacitance. Estimate the change in output voltage 
due to charge injection. What will the final output voltage be? 

5Vl_ 
ov 

..2.. 
V,, O>----l.gl---1+--0 Voot 

~:s I501F 

Fig. P7.11 
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CHAPTER 

Sample and Holds, 
Voltage References, and 
Translinear Circuits 

In this chapter, some common analog building blocks are described other than those 
already presented. Specifically, circuits to realize sample and holds, bandgap voltage 
references, and translinear gain cells and multipliers are discussed. A sample and hold 
(S/H) is used to sample an analog signal and to store its value for some length of time. 
A bandgap voltage reference is often used to bias circuits or to supply a reference to 
which other voltages are compared. A translinear gain cell is commonly used to cre­
ate an amplifier whose gain can be adjusted through the use of a controlling input cur­
rent. Finally, a translinear multiplier is realized by interconnecting two gain cells and 
finds a variety of uses in applications such as a modulator (in a communication sys­
tem) or a phase detector (in a phase-locked loop). 

8. 1 PERFORMANCE OF SAMPLE-AND-HOLD CIRCUITS 

An important analog building block, especially in data-converter systems, is the sample­
and-hold-circuit. Before proceeding, it is worthwhile to mention that sample-and-hold 
circuits are also often referred to as "track-and-hold" circuits. Normally, these two terms 
are synonymous except for a few particular switched-capacitor sample-and-hold cir­
cuits that do not have a phase where the output signal is tracking the input signal. 
Sample-and-hold circuits are necessary components in many data-acquisition systems 
such as AID converters. In many cases, the use of a sample and hold (at the front of the 
data converter) can greatly minimize errors due to slightly different delay times in the 
internal operation of the converter. 

Before discussing the basic principles of sample-and-hold circuits, it is necessary 
to mention some performance paI-ameters used in characterization. 

1. The first of these parameters is a sampling pedestal or a hold step. This is an 
error that occurs each time a sample and hold goes from sample mode to 
hold mode. During this change in operation, there is always a small error in 
the voltage being held that makes it different from the input voltage at the 
time of sampling. Obviously, this error should be as small as possible. Per­
haps more important(v, this error should be signal independent; otherwise 
it can introduce nonlinear distortion. 
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2. Another parameter is a measure of how isolated the sampled signal is from 
the input signal during hold mode. Ideally, the output voltage will no longer 
be affected by changes in the input voltage. In reality, there is always some 
signal feedthrough, usually through parasitic capacitive coupling from the 
input to the output. In well-designed sample and holds, this signal feed­
through can be greatly minimized. 

3. A third important parameter is the speed at which a sample and hold can 
track an input signal, when in sample mode. In this mode, a sample and hold 
will have both small-signal and large-signal limitations due to its -3-dB 
bandwidth and finite slew rate, respectively. Both the -3-dB bandwidth and 
slew rate should be maximized for high-speed operation. 

4. Yet another limitation (somewhat less important in high-speed designs) is 
the droop rate in hold mode. This error is a slow change in output voltage, 
when in hold mode, caused by effects such as leakage currents due to the 
finite base currents of bipolar transistors and reverse-biased junctions. In 
most CMOS designs, this droop rate is so small it can often be ignored. 

S. A fifth limitation is aperture jitter or aperture uncertainty. This error is the 
result of the effective sampling time changing from one sampling instance 
to the next and becomes more pronounced for high-speed signals. Specifi­
cally, when high-speed signals are being sampled, the input signal changes 
rapidly, resulting in small amounts of aperture uncertainty causing the held 
voltage to be significantly different from the ideal held voltage. 

Other performance parameters are also important when realizing sample and 
holds. These include parameters such as dynamic range, linearity, gain, and offset 
error. Some of the mechanisms whereby these errors arise in particular sample and 
holds are described in the next section using specific S/H examples. In addition, a 
number of design principles whereby these errors can be minimized are explained. 

Testing Sample and Holds 

Before describing various S/H architectures, it is appropriate to first describe a popular 
method for testing S/Hs, referred to as the beat test. This test consists of clocking the 
S/H at its maximum clock frequency and applying a sinusoidal input signal that has a 
frequency slightly different than the clock frequency .1 The output of this system is de­
modulated to a low frequency equal to the difference between the frequency of the 
clock signal and that of the input signal. This low-frequency signal is then charac­
terized using a spectrum analyzer or by digitizing it using a high-accuracy AID con­
verter clocked at the difference frequency and then analyzed using a computer. The 
test setup for a beat test is shown in Fig. 8.1. Example waveforms for the input signal, 
the sampling signal, and the output signal of the sample and hold are shown in Fig. 8.2. 

1. If the circuit being tested is, in fact, a track and hold, then the output of the track and hold would be re­
sampled by a second track and hold clocked on the opposite phase as the original. 
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