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Abstract

This thesis examines the advantages of silicon-on-insulator (SOI) CMOS for low-voltage
radio-frequency (RF) application. It explores the unique properties of SOI transistors, exploiting
these properties to construct RF circuits with better performance (such as higher speed lower
noise) compared to bulk CMOS. The cross-coupled complementary voltage-controlled oscillator

(VCO) was chosen as the baseline circuit for the comparison.

First, a wideband VCO using AMOS varactors with more than 50% tuning range was
implemented, demonstrating the low-voltage frequency tuning capability in CMOS. Next, a 40
GHz VCO using both PMOS and NMOS was constructed to illustrate the high speed performance
of SOI CMOS transistors. High-speed design issues, especially regarding frequency tuning
capability, have been studied and analyzed. While AMOS varactors make low-voltage tuning in
-CMOS possible, the high varactor sensivity introduces excessive phase noise into the system.
This thesis explores and analyzes this noise problem. Two design methodologies, namely band-
switching and differential tuning, were employed to reduce such noise. Furthermore, a general
phase noise improvement technique, which can be applied to both SOI and bulk CMOS VCOs,
was also developed and demonstrated. This technique utilizes the complementary topology to
reduce upconversion flicker noise, while using the non-minimum gate length NMOS devices to
maximize signal swing and reduce transistor noise. All the VCOs described above are
implemented in a 0.13 pm SOI CMOS technology, and the theories developed were verified

experimentally by these RF circuits.

Finally, several high-speed low-voltage circuits are either simulated or implemented to
demonstrate the improved circuit performance available with SOI: (a) a bias-T source follower for
accurate high-speed VCO measurement; (b) a 54 GHz 10w-ndise amplifier with image reject
using high-Q passives, giving zero dc power dissipation for the image reject circuit; (¢c) a 1 V, 40
LW, 50 MHz, 6-bit, AZ analog-to-digital converter (ADC) to demonstrate low-voltage switched-C
performance; and (d) a 1 V, 5 GHz, 3-bit pipeline ADC used as a multi-bit quantizer for future AZ

bandpass ADC implementation.
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Chapter 1 Introduction

In this thesis, the advantages of silicon-on-insulator (SOI) transistors for radio frequency (RF)
circuits are explored. Several bottlenecks that were imposed by traditional bulk CMOS
technology are resolved, making CMOS a feasible technology for single chip integration of RF

systems.

1.1 Why RF CMOS?

Recently, the telecommunication industry has been seeking a means of integrating the RF
frontend and the digital-oriented backend of wireless communication systems onto a single chip
for economic reasons. For a silicon process, heterojunction bipolar transistors (HBT) are used for

the high-speed RF frontend, while CMOS is used for the DSP at the backend. The HBT has better

device performance in terms of gain, speed and noise. However, it is more expensive to fabricate!,
and cannot replace the CMOS DSP at the backend due to a relatively high power dissipation in the
static state (i.e., power is drained even though the device is not switching). Therefore, the focus of
the integration solution has shifted towards the replacement of HBT by CMOS, especially with
the emergence of deep submicron lithography, which makes the speed of CMOS approach that of
HBTs. However, when operating at RF frequencies (above 1 GHz), larger power consumption is

usually required for CMOS to achieve comparable performance to the HBT technology [Voi95].

1. Cost in terms of number of fabrication steps and yield.
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Motivation 2

Since power consumption is usually the prime concern in mobile communication, single chip
integration is the major reason for using CMOS for RF blocks. Otherwise, the industry should
remain with the traditional HBT devices for RF circuits to take advantage of their better device

performance.
1.2 Motivation

One approach for single-chip integration is to implement all radio functions in CMOS!. This
approach takes advantage of the high state of development of CMOS technology, driven by the
enormous market for high-performance digital CMOS circuits. With the development of deep
submicron lithography, the speed of CMOS transistors is now comparable to modern HBT
processes, making the implementation of RF functions feasible in CMOS technology. However,
the shrinking of feature size forces the supply voltage to scale down to ensure reliability.

Therefore, RF CMOS design is usually considered as a high-speed low-voltage design.

The outlook for RF CMOS has improved recently with the maturation of a special branch of
CMOS technology called silicon-on-insulator (SOI). SOI CMOS is similar to traditional bulk
CMOS transistors except the body silicon is isolated by a layer of silicon dioxide, reducing the
junction capacitance, hence making the transistor about 30% faster than in bulk [Sha99]. In this
thesis, besides demonstrating the technology advantage in terms of speed improvement of SOI,
special properties of this type of transistor are utilized to improve circuit performance, resolving

some of the high-speed low-voltage design bottlenecks in bulk RF CMOS as described below.

*  Poor frequency tuning of a VCO at low-voltage

One of the major bottlenecks in RF CMOS design is the limited frequency tuning range of the
VCO. While the gain (or sensitivity, defined as the ratio of capacitance change to applied voltage)
of a traditional pn diode varactor remains constant, the tuning voltage decreases due to the voltage
supply reduction imposed by technology limitations. Therefore, a low-voltage VCO requires a

different type of varactor with high C,,,/C,,;, 1atio to maintain the desired tuning range.

1. Another one is using BiICMOS technology.
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Motivation 3

Although this type of varactor can be realized in bulk technology, its performance is much better

in SOI, as will be described in the thesis.

»  Excessive phase noise due to high gain varactor of low-voltage VCO

A low-voltage VCO requires a high gain varactor for frequency tuning. However, a high gain
varactor introduces excess phase noise into the system, degrading the performance of the VCO
significantly. This problem is obvious but is often overlooked in VCO design. Therefore, in this
thesis, the relationship between varactor gain and phase noise is analyzed, and then an SOI-based

solution that reduces the effect of this problem will be provided.

e Poor phase noise due to gate length and voltage supply reduction in VCO

A transistor with a smaller gate length has worse flicker noise than a long channel device.
Therefore, using minimum gate length results in worse flicker noise, which is upconverted near
the VCO carrier [Haj99]. Such upconversion can be minimized by exploiting symmetry in the
output waveform, but th@s may result in an undesirable dc level shift, such that the output swing is
not at its maximum. With a low supply voltage, the VCO output swing has to be maximized to
improve the signal-to-noise ratio (SNR) of the system to achieve reasonable phase noise
performance. Waveform symmetry and output maximization are effectively two contradictory
conditions, but in this thesis, a new circuit technique is developed such that both conditions can be

met simultaneously. This technique can be used for both bulk and SOI CMOS technology.

*  Poor frequency tuning of very high speed VCO

Although very high speed VCOs up to 50 GHz have been demonstrated in bulk CMOS
[Hun00b][Wan01], the tuning ranges are so poor (less than 2%) that the designs are unsuitable for
commercial realization. The poor tuning range is the result of the high parasitic capacitance of
bulk transistors and the lack of high-Q, high C,,,,/C,,;, ratio varactors. In this thesis, the
shortcomings of bulk: CMOS are resolved by using SOI transistors, and a 40 GHz VCO with
adequate tuning range (9 to 15%) was implemented in SOI to demonstrate the advantage of this

technology at very high speed.
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Motivation 4

* Inaccurate measurement of low-voltage VCO due to losses in the output buffer

In order to drive a 50 €2 load for measurement, source followers are usually added to the VCO
as the output buffers. Atlow voltage, large-size transistors are required to provide enough current
to drive the load because v,, is small. However, large drivers have high parasitic capacitance,
which reduces the speed of the VCO. At high frequency, for example at 40 GHz, this imposes a
significant problem for oscillation frequency and output power measurement. In this thesis, a

unique property of SOI is exploited to allow more accurate measurements of the VCO.

°  Design flexibility of low-noise amplifier (LNA) in deep submicron SOI

Before the introduction of submicron technology, the performance of CMOS LNAs was
limited by the speed of the transistor. Deep-submicron SOI technology offers an extremely high
speed transistor that not only provides enough gain at high frequency but also relaxes design
constraints, which makes a high-speed high-performance LNA feasible. In this thesis, a 5.4 GHz
simultaneous noise and power matched LNA with image rejection was designed to demonstrate

this design flexibility.

¢ Reduced dynamic range of analog circuits at low veltage

The reduced voltage supply decreases the output signal swing, and this makes it challenging
to achieve wide dynamic range at high speeds. In this thesis, a 50 MHz switched-C AX analog-to-
digital converter (ADC) was designed and operated down to 0.9 V supply to examine the
limitations of dynamic range and circuit noise at low voltage. At this supply voltage, the circuit

only draws 40 pW for 6-bit performance, demonstrating the low power capability of SOIL.

»  Reduced speed of transistors at low voltage

A high frequency circuit requires the transistors to operate in the saturation region to provide
enough speed for the circuit. However, low voltage operation sometimes forces the device to run
either in the triode or the subthreshold region, degrading the speed of the transistor. In this thesis,
a 1V, 5 GHz, 3-bit pipelined ADC was designed as an example. The design was such that some
of the transistors were required to operate in the triode mode, and a low-voltage circuit technique

was introduced to address this problem.
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Contributions 5

1.3 Contributions

This thesis examines the advantages of SOI CMOS technology for low-voltage RF
application. ~ The circuits implemented are mainly for theory verification and technology
demonstration. Although the circuits are not targeted at particular specifications, they are
designed at the frequency around 5 GHz for possible wireless local area network (WLAN)

applications. Contributions of this work include:
Passive components:

+ design, analysis and measurement of high-Q AMOS varactors;
« design and implementation of horseshoe inductor in silicon with single-ended Q greater than
20 at frequencies between 3 and 5 GHz [Zam01];

 design and implementation of multi-level multi-turn RF choke with 17 nH inductance that
only occupies an area of 140 um by 140 pm.

Voltage-controlled oscillators:

+ analysis of the relationship between phase noise and varactor gain at low voltage;

+ broadband frequency tuning (more than 50% tuning range) using AMOS varactors with band-
switching topology in SOI [Fon@2a};

« application of differentially tuned varactor to reduce common-mode noise and hence phase
noise in SOI [Fon(2b];

* introduction of a novel design technique called “simultaneous g,, and impedance matching”
for phase noise improvement in deep submicron CMOS technology [Fon02d];

+ design and implementation of a-40 GHz complementary VCO that demonstrates frequency
tuning capability and speed of PMOS in SOI [Fon02c];

« application of bias-T source follower in SOI for accurate high-speed circuit measurement;
Low-noise amplifiers:

+ theory and analysis of simultaneous noise and power matching in deep submicron CMOS;
¢+ design and implementation of a 1 V, 5.4 GHz LNA with a novel zero-dc power image rejec-

tion circuit in SOI;
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Analog-to-digital converters:

* testing of a low-voltage 50 MHz AZ ADC in SOI to examine the low power capability of SOI
for analog circuits [Swa99];
o design ofa 1 V, 5 GHz, 3-bit pipeline ADC with a novel digital correction technique to com-

pensate for low-speed transistors operating in the triode region.

1.4 Thesis Qutline

Chapter 1 is the introduction of the thesis.

Chapter 2 gives a brief background of SOI devices and the process technology used in this

thesis.

Chapter 3 outlines the design of the passives such as inductors and varactors that are used in
the RF circuits. Design and measurement of very high Q inductors and varactors are described,

and an RF AMOS varactor is analyzed.

Chapter 4 contains the designs of the VCOs. Three novel design techniques, (a) band-
switching, (b) differentially-tuned varactor, and (¢) simultaneous g,, and impedance matching, are
introduced to improve phase noise and the frequency tuning range. Furthermore, the design of a
very high frequency (40 GHz) VCO is discussed, together with the design of a high speed buffer.

Measurement of each VCO is given for theory verification.

Chapter 5 contains the designs of the LNAs, including a novel all-passive image rejection
filter utilizing the high quality passives described in Chapter 3. Some of the high frequency and

matching issues for both power and noise for submicron CMOS technology are also discussed.

Chapter 6 contains the designs of mixed-signal analog circuits. The designs include the
world’s first SOI low-pass second-order ADC (measured), and a 3-bit, 5 gigabit/second quantizer
(simulation). All of the circuits are designed at 1 V to demonstrate the low-voltage capability of

SOI in mixed-signal design.

Chapter 7 is the thesis conclusion and the proposal of future work.
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Chapter 2 SOI Devices

SOI CMOS technology has been in commercial use for over a decade. Although SOI offers
significant performance advantages over bulk CMOS, until very recently SOI remained a niche
technology, relegated to limited applications such as radiation-hard circuitry. The reluctance for
the microelectronics industry to adopt SOl CMOS was based in large measure on an
unwillingness to risk investment in new technology when comparable performance advantages
could be achieved simply by scaling bulk CMOS to smaller gate lengths. SOI CMOS also
suffered from high substrate costs and floating body effects which complicated device and circuit
modeling. Conversion from bulk to SOI CMOS requires major changes in device models, CAD
tools (e.g. layout synthesis), cell libraries and even system architecture, all of which are extremely
costly. Recently the exponentially rising cost and difficulty of scaling bulk CMOS technology
beyond the 0.25 pm generation has led to the acceptance of SOI as a commercially viable

alternative.

The RF frontend has traditionally been constructed using II1-V devices, particularly gallium
arsenide based technology. Recently, SiGe-based HBT devices have begun to take part of the
market share for its comparable circuit performance, reduction in cost and better production yield.
Silicon-based CMOS cannot compete in performance with either of the devices mentioned above.
Despite the reduction of gate length in CMOS which allows the device to achieve similar cut-off

frequency f7 (i.e., speed), short-channel effects significantly hinder the analog performance of the
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MOSFET. However, RF CMOS does attract a lot of attention in both academia and industry these
days. Driven by the market demand such as Bluetooth, a single-chip system has become the holy
grail for telecommunications products. Since CMOS is the most economical and practical choice
for the digital backend (e.g., DSP and memory), the technology options left for such integration
are CMOS and BiCMOS. Since BiCMOS is inherently a more expensive process, CMOS has the
advantage for economic reasons. Therefore, the philosophy behind RF CMOS is single-chip
integration, with the result that designers utilize an inferior technology to achieve the required

specifications for economic advantage.

2.1 SOI vs. Bulk

Before performing a comparison between bulk and SOI devices, first consider the physical
structure of an SOl MOSFET as shown in Figure 2.1. Compared with a bulk MOSFET, there is a
layer of buried oxide that separates the silicon bulk into two regions called the body and the
substrate. There are three methods used commercially to form such a buried oxide [Ku098]. The
simplest and most widely used way is to implant oxygen ions into the silicon and thermally
anneal the wafer to repair the damage to the body silicon crystal structure. The body silicon is
usually very thin, ranging from 100 nm for partially-depleted SOI (PDSOI), to around 20 nm for
fully-depleted SOI (FDSOI). The latter films are formed by silicon thinning through sacrificial
oxidation [Kuo98] (see Section 2.2 for further detail). The buried oxide is about 300 nm for an
older process and 100 nm for a more modern process. The electrical properties for both body

silicon and buried oxide are discussed in a later section.
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Si (body)

| neowe) ) S p | o (eram) |

poly (gate)

Si (substrate) p-sub

Figure 2.1 Device Structure of a n-type SOI MOSFET

Other than the creation of the buried oxide, the rest of the processing steps are practically the

same! as in the bulk CMOS. Therefore, (a) formation of the buried oxide film and (b) body
silicon thinning (for FDSOI) are the two extra fabrication steps incurred in SOI compared to bulk
CMOS.

Perhaps the most obvious advantage of introducing the buried oxide is the reduction of the
area junction capacitance Cjgp, under the source/drain regions. In bulk CMOS, the capacitance is
formed mainly by the depletion region of the reverse biased pn junction under the source-drain
diffusion. Assuming a simple parallel plate structure with no fringing field, the capacitance per
unit area is therefore

&€

Cisp = (2.1

2‘a’epl
where €; is the relative permittivity of the silicon, g, is the permittivity of air, and 74, is the

depletion width (for n-type MOSFETs) given by

’depl -

[Zesigo(% +VR) Np }1/2
q N,4(N4+Np)

(2.2)

1. In fact, the isolation is easier to fabricate in SOI because of the buried oxide.
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SOI vs. Bulk 10

where Vj is the reverse bias voltage, g is the charge of an electron, N4 and N the dopings of the

p-type and the n-type materials respectively. ¢y is the built-in voltage of a pn junction given by

1\{41\73} (2.3)

op = VTln( >

n

where V7 is the thermal voltage (which is about 26 mV at room temperature), and #; is the carrier
concentration of intrinsic silicon. Assuming a p-well doping Ny = 10" em™ for a modern
submicron process’, and N = 10%! em, t4epr 18 around 0.1 um at zero bias, and Cjgp is about 9.1

pF/mz.

In SOI, the area capacitance results from buried oxide instead of the depletion region. The
buried oxide thickness 7, for a modern process is about 0.1 pm (which is approximately equal to
T4epi if not thicker), but the relative permittivity of oxide €, is 3.9, which is about three times
smaller than silicon’s €; of 11.8. Therefore, the C ¢y, of SOI is at least three times smaller than

that of the bulk process. For this reason, the SOI transistor is about 20-30% faster than traditional
bulk devices [Sha99].

From the dc point of view, the buried oxide provides isolation from neighbouring devices.
Therefore, adverse effects such as latch-up and body effect are absent in SOI. Furthermore, the
designer is allowed to bias the source/drain node to a voltage below the substrate voltage (usually
ground) without worrying about forward biasing the source/drain-substrate pn junction, which
provides an extra level of design flexibility. This flexibility is applied in the design of an AMOS
varactor (Chapter 3) and buffer (Chapter 4).

1. The doping for the substrate is refatively high for modern submicron process to suppress the short chan-
nel effect.
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2.2 Partially and Fully Depleted SOI

Like MOSFETs in bulk CMOS, under normal bias conditions SOI MOSFETs have a
depletion region in the channel under the gate electrode. Depending on how deep this region
extends, SOI devices can be categorized into two types as shown in Figure 2.2: (a) partially
depleted SOI (PDSOI) if the depletion region only occupies a portion of the body silicon, and (b)
fully depleted SOI (FDSOI) [Mac90] if the depletion region exterds all the way down to the

buried oxide, occupying the entire body silicon.

depletion region depletion region

poly poly

!

Si (body)

f

neutrai region

Si (substrate) Si (substrate)

(a) (b}
Figure 2.2 (a) Partially depleted SOI and (b) fully depleted SOl

Thickness and doping of the body silicon determines whether the device is partially or fully
depleted. Compared to a fully depleted device, a partially depleted device has thicker body
silicon and heavier substrate doping to allow formation of a neutral region between the depletion

region and the buried oxide.

2.3 SOI Properties

The following sections discuss some of the most common characteristics of subquarter micron
MOS devices for low-voltage circuit design, and how SOI can improve or worsen these
properties. These effects are (2) the floating body effect, (b) the subthreshold swing, (c¢) short

channel effects, and (d) the threshold voltage variation.
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2.3.1 Floating Body Effect

The buried oxide in SOI is like a Pandora’s box, in that the oxide offers the device better speed
and isolation, but at the same time it also introduces many undesirable effects. One of the major
drawbacks is the floating body effect! [Lu97]. As its name suggests, the silicon body is floating,
that is, without a defined node connection as in the bulk device due to the buried oxide isolation.
At dc, when the MOSFET is on, majority carriers generated by impact ionization accumulate
inside the floating body near the drain end where the electric field is the highest. The generated
charges gradually build up and the body potential increases until the voltage reaches the barrier
potential of the pn junction of the source-body, forward biasing the diode. This results in a sudden
increase in drain current® (the kink effect). Note that this mechanism is time dependent (finite
time to accumulate enough charge to forward bias the junction), and therefore the floating body
effect is dynamic and history dependent3. Both kink and history effects due to the floating body

introduce severe problems for circuit design and simulation.

For analog circuits, the Kink effect is seen as a sudden increase in drain current (/pp) with
respect to the drain-source voltage (V,¢), which can be translated directly to an upward spike in
the output conductance (gpg), decreasing the dc self-gain (defined as g,/gpg) of the transistor
abruptly. Since the body potential (V) is changing, the threshold voltage V', is modulated as well

due to the body effect:

Jzesigt)q]\h(z% +Vgp)
C

ox

Vg = 205+

(2.4)

where Vg is the source-bulk voltage, and C,, is the capacitance of the gate oxide.

The time dependence of such phenomena makes modelling and circuit design extremely

difficult. For example, for precise circuit simulation, only transient analysis can be used in circuit

1. Floating body effect is a phenomenon for PDSOI; in FDSOI, the channel is fully-depleted, so the Kink
effect is less severe [T5e98]. ,

2. Neric’s analogy: the reservoir can only hold that much water before it floods.

3. The history effect is due to charge accumulation in the body
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simulation because dc and ac simulation are no longer accurate due to the history effect. As for
digital circuits used in VLSI, the situation is no better because threshold voltage variation with
time raises many concerns for switching circuits due to transient leakage current [Lim83].
Although SOI is considered a better technology than bulk for both SRAM and DRAM [Ku098],
memory cells may suffer degradation attributed to the Kink effect in the form of lowered output

impedance. For bulk devices, all of the charges generated are discharged through the substrate

node to the ground'. Therefore, floating body effect only occurs in SOI devices.

Nevertheless, in submicron devices, the floating body effect is greatly reduced due to the

scaling down of supply voltage?. Modern CMOS technology has the gate length scaled down
below a quarter micron, and the reduction of short channel effects is the prime issue for the
transistor to function properly [Bul00]. Therefore, the gate oxide is made very thin (e.g., far
below 10 nm) for the gate electrode to maintain control of the current flow in the channel, but
thinner oxide has lower breakdown voltage.. Therefore, the supply voltage is scaled down for
three main reasons: (a) to prevent gate oxide breakdown, (b) to minimize the horizontal electric
field from the drain to source and hence the short channel effect, and (c) to lower power
dissipation. Therefore, for modern submicron devices, many adverse SOI effects are alleviated
due to the scaling down of the supply voltage, and as result it is now a competitive alternative to
bulk CMOS [Kri98].

1. Body contacts can be added to PDSOI to remove the channel charge. This effectively makes the PDSOI
device a bulk device except that the source/drain junction is reduced by the buried oxide, and the transis-
tor is individually isolated.

2. Recall that the kink effect is due to the high electric field at the drain-end that creates excess charges and
builds up a voltage potential across the body. Therefore, reducing voltage supply alleviates the Kink
effect.
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2.3.2 Subthreshold Swing

Perhaps one of the most important parameters for low-voltage operation is the subthreshold
swing, which is a measure of how well the gate can shut the transistor off. A typical subthreshold

characteristic (I vs. V) of a MOS device has the y-axis on a log scale to emphasize the region

of operation below the threshold voltage (subthreshold region) as shown in Figure 2.3.

bulk

80 mV/decade

/

|
3 !
O | !
- |
I -~
'I '} FDSOI has a much lower leakage
! v ~ current than bulk technology
60 mV/decade — | ! th For example, if Vy, is 0.48 V,
T : then FDSOI has leakage current
N @ | 100 times lower than bulk CMOS

Figure 2.3 Subthreshold characteristic

In the subthreshold region, the channel is in the depletion region. The MOSFET has a

behaviour similar to that of a pn diode (or bipolar transistor) in that the drain current Ipp is

exponentially dependent on the gate voltage V ;¢ given approximately by

1V s/ V.
Iy = 1" @' (2.5)

where /g is a saturation current and V7 is the thermal voltage. The subthreshold swing Sis used to

describe the ability of the gate to turn the channel off in this bias regime, defined as

AV

§ =0 2.6)
Alog,,(Ipp) (
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with units of mV/decade. A small subthreshold swing is desirable to minimize channel leakage at
Vs of 0V, and the minimum achievable subthreshold swing is the same as the slope of a pn

junction, which is given by
Vpq

¢ _ AV _ kT
i Alogyo(Ipp)  glogyge

(2.7)

where Vp, is the voltage across the diode. At room temperature, the minimum achievable S is

approximately 60 mV/decade. Typically, for PDSOI and bulk CMOS, the subthreshold swing is
typically around 80 mV/decade, while FDSOI has § close to 60 mV/decade. Before this is

explained, the importance of a good subthreshold swing is first discussed.

The subthreshold swing and the threshold voltage determine the leakage current when the
transistor is off (Figure 2.3). Consider a typical MOS device which has a subthreshold slope of 80
mV/decade. This means that a reduction of 80 mV at the gate reduces the drain current by 10

times. If this device has a V', of 0.8 V with Ip) of 0.1 mA at this voltage, then at V5¢ = 0, the

current is reduced by 10 decades, so

Ipp = 0.1x107°/10" = 10x10™"

and therefore the leakage current is 10 fA. If the threshold voltage is lowered to 0.64 V, then at

Vs = 0V the drain current is only reduced by 8 decades, and leakage current will therefore be

increased by 100 times. In other words, a higher threshold voltage will have a lower leakage

current for a given subthreshold swing.

However, for low voltage circuit design, it is favorable to have reduced ¥, because this gives

extra dynamic range for the circuit when cascoding transistors, given by the formula:

Vmin = Vrh + Y, (28)
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where V,;, is the minimum supply voltage, # is the number of cascoded transistors, and v,,,, is the
on-voltage defined as V;—V,;, . However, as mentioned in the previous paragraph, a reduction
in ¥V, increases the leakage current for a given subthreshold slope, resulting in an increase in

standby power consumption. Therefore, a device with an improved subthreshold slope can have a

lower V', without the penalty of an increase in the leakage current, which allows the low-voltage

circuits to have a wider dynamic range for analog circuits, while maintaining power consumption

at a low level for digital parts.

In order to have an ideal subthreshold slope of 60 mV/decade, all of the gate voltage should be
used to control the energy barrier of the silicon channel, i.e., the gate voltage has to be equal to the

diode voltage ¥}, as in equation (2.7). However, the gate oxide between the gate electrode and the

‘channel forms a voltage divider as shown in Figure 2.4, so ¥ ;5 becomes

1/Cg;

Ves = T7c w10 P (29)

The voltage drop across C,, reduces the ability of the gate to control the channel, and hence

increases the subthreshold swing.

Si (substrate) p-sub

Figure 2.4 Capacitor model to demonstrate subthreshold swing

Even though the presence of the gate oxide is unavoidable in MOSFET devices, FDSOI has a

subthreshold characteristic which is close to ideal. The reason is that FDSOI has a fully depleted
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channel, and hence there is no charge stored in the silicon channel. Therefore, Cg; is much smaller
than C,, so that all the voltage applied at the gate is directly applied to the channel as V5. On the

other hand, PDSOI is similar to bulk in that charges in the neutral region result in a finite value to

C,;» and hence the subthreshold characteristic is worse than it is for FDSOL

2.4 Short Channel Effects

In this section, a capacitor model similar to the previous section will be used to explain short
channel effects. Although the model is not quantitively precise, it provides an intuitive

understanding from the circuit point of view.

Short channel effects are adverse effects that occur when the gate electrode does not

completely control the channel charge. There are three major effects:

1. channel length modulation in saturation regime;
2. drain induced barrier lowering (DIBL), which leads to punch-through in extreme cases;

3. threshold voltage reduction.

Si (substrate) p-sub

Figure 2.5 MOSFET short channel effects

To understand short channel effects, consider the model as shown in Figure 2.5. Ideally, in
saturation, the conduction of the device should be completely controlled by the gate through

electric field £,. However, if there is a potential difference between the source and the drain, a
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horizontal electric field £, will be generated along the channel. E, is undesirable because it
modulates the channel length, making the device dependent on Vpg and hence increases the

output conductance. Such dependency can be described by the parameter A in the saturation

mode of operation:

7 2
Ipp = l(p%von(l + AV pg) (2.10)

where k, is the process constant, w and / are the width and length of the device respectively, and

Von 1s the on-voltage defined as V¢~ V,,. An ideal MOSFET has a A of zero for an infinite

output impedance.

As E, becomes larger, the gate loses more control to the source/drain electric field leading to

an increase in leakage current, that is threshold voltage reduction and increase in subthreshold

swing (DIBL). If the channel is extremely short, £, can be large enough to carry electrons

punching through the channel from the drain to source, causing a current conduction even though

the device is off (punch-through).

Besides the undesirable electric field £, the depletion regions of the pn junctions between the

active regions (source and drain) and the channel have similar effects to a short channel device.
Consider the example as shown in Figure 2.6. A greater percentage of the channel region is

depleted as the channel shortens, so the threshold voltage is also reduced according the Yau’s

trapezoidal model! [Sze81].

1. The threshold voltage is proportional to the charge in the depleted region controlled by the gate.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 34 of 190



Short Channel Effects 19

y depletion region conirolfled by S/D
B depletion region controlled by gate

Si (substrate) psub | Si (substrate)

(@) (b)

Figure 2.6 Gate-controlled depletion charges reduced from (a) to (b)

Usually, PDSOI has less severe short channel effect than FDSOI because PDSOI has a

stronger £, dominance over £, To observe this, assume the channel is partially depleted and

behaves as a dielectric material. Then the channel can be modelled as two capacitors: one for the

gate to represent the vertical field £, and one for the source/drain to represent the horizontal field

E), as shown in Figure 2.7.

neutral region

Si (substrate) p-sub ?

Figure 2.7 Capacitor model to demonstrate short channel effect
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Assume the drain and the gate have the same potential when the transistor is on (saturation
region of operation), then the capacitance ratio C, to C,, can be used as a figure of merit for the

short channel effect:

E_& 2.11
EC, e
Therefore, for a given C,, maximizing C, minimizes the short channel effect.
For PDSOI (and bulk), C, is given by
Esi€o
C, = 7m— (2.12)
3 fox ™+ tdepl

assuming €¢; =3¢ . and the electric field £, is terminated by the charge in the neutral region.
Therefore, in any MOSFET (whether PDSdL FDSOI or bulk), the gate oxide thickness ?,, is

made as thin as possible to control the short channel effect, while the channel is doped as high as

possible to reduce 74,;.

For FDSOI, since the channel is fully depleted, the electric field E, is terminated in the

charges below the buried oxide (substrate) instead of the neutral region (below the depletion

region). Hence C, is given by:

c = Esi€0
* 3f0x+TSj+3rbox

(2.13)

Since f; > 4oy and 3tpoy > ty', C, in FDSOI is much smaller than in PDSOI, and hence short

channel effects are worse in FDSOI. Now consider C,, which is given primarily by

c, == (2.14)

1.ty is usually 10 times thicker than t; in modern SOI process.
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so the shorter the effective channel length /, the worse the short channel effects because C,

increases. Actually, for a very short gate length, most of the electric field penetrates the channel
through the buried oxide because of its lower permittivity and larger cross sectional area
compared to the body silicon. This suggests that in order to reduce C), especially for FDSOL
Cpox >> C, 1s desirable because this forces most of the horizontal electric field E, to become

vertical through the buried oxide Cp,, because

Cbax
C

v

E'f = (2.15)
E,

Therefore the body silicon film has to be made very thin for a smaller cross sectional area to
reduce C), and the buried oxide film has to be thin as well for large Cy,,. In general, FDSOI with
an effective gate length below 0.1 um can only be made with very thin body silicon film (in the
order of 10 - 20 nm).

2.4.1 Threshold Voltage

In PDSOIL, the threshold voltage is insensitive to the body silicon thickness because the
depletion region is not dependent on the film thickness. For FDSOI, the device mechanism is
more complicated. The fully-depleted device requires a highly doped channel for the correct
threshold voltage, and a very thin body film to control the short channel effects. The threshold
voltage is sensitive to the amount of charges that exist in the channel, and its sensitivity increases
as the body doping increases. However, this channel charge is governed by the body silicon
dimensions because the body is made extra thin and is highly doped. Therefore, the threshold
voltage can be linearly dependent on film thickness [She95] for a given doping. This is a concern
from a manufacturing standpoint because process tolerance control becomes increasingly difficult

to ensure uniformity of such thin body silicon across the wafer.
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2.5 A 0.13 um SOI CMOS Technology

In this thesis, most of the circuits were designed in an IBM 0.13 pum SOI CMOS technology.
For NMOS, the f; and f,,,, are 148 GHz and 162 GHz respectively, and for PMOS, the f, and £,

are 68 GHz and 102 GHz respectively. The f; and f,,,, plot is shown in Figure 2.8.

180

160

140

120

frequency [GHz]

100

80

60

—8~ Vpp=1.2V
—E— VDD=0.9V

ipp (MA/um)

Figure 2.8 f; and f,,,, of the transistors in 0.13 um SOI CMOS technology’

1. Data from [Zam01]. The peak f,,,. was later measured to be 162 GHz with better equipment setting.
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2.6 Summary

SOI MOSFETs have greater speed than bulk devices mainly because of reduced junction
capacitance below the source and drain. Bulk devices have no Kink effect, while PDSOI has a
worse Kink than FDSOI [Tse98]. However, the Kink effect is minimized at lower voltage
because the electric field at the drain side is smaller, which reduces the impact ionization. The
subthreshold swing of FDSOI is close to ideal, while the bulk and PDSOI has a similar
subthreshold slope. The short channel effects of bulk are similar to that of PDSOI, while FDSOI
is worse because the vertical electric field is terminated below the buried oxide instead of below
the depletion region. This can be amended by making the body silicon very thin. As for
fabrication tolerance, body silicon thinning makes FDSOI devices vulnerable to process tolerance
‘because many electrical parameters (such as the threshold voltage) become sensitive to the body
thickness due to high doping and extra thin film. In a nutshell, FDSOI is inherently a better
device compared to PDSOI and bulk. However, the fabrication process is more difficult to
control, so that yield is a significant issue when it comes to high volume production. The

properties of the MOSFET devices are summarized in Table 2.1.

Table 2.1: Comparison between Bulk, PDSOI and FDSOI Devices

add buried body silicon
BULK ——————— PDS8O| ————— FDSOI
oxide thinning

speed slowest fast fast
Kink Effect none worst reduced
(Low Voltage)
Subthreshold poor poor close to ideal
Swing
Short Channel good good worst
Effect
Process good good worst
Tolerance -
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Chapter 3 Passives in SOI

In RF design, both actives and passives are crucial for circuit performance. In the previous
chapter, active devices were discussed, and in this chapter, the focus is on the passive components.
Passive components can be categorized into three types: resistive, inductive and capacitive.
However, in RF integrated circuits, a passive component is often made up of all the elements

mentioned above.

metal line

Rpara -~ Cpara

p-sub

Figure 3.1 A metal line and its equivalent compact model at RF

As an example, consider a simple metal line as shown in Figure 3.1. In the equivalent model,

there are resistive, inductive and capacitive components. Therefore, in designing passives at RF,

24
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the goal is to maximize the desired component while minimizing the parasitic components at a

particular frequency.

3.1 Inductor Design

3.1.1 An Inductor, or a Capacitor?

Probably one of the best examples to demonstrate the concept mentioned above is the
monolithic inductor. A simple rectangular spiral inductor is shown in Figure 3.2. The inductance
is generated by a magnetic field created by the flow of ac current, and aided by the magnetic
coupling with the adjacent line which has the current flowing in the same direction. The parasitic
components are the series resistance due to finite conductivity of the metal, substrate capacitance
and resistive loss to the substrate. However, if the cross-section of the inductor (Figure 3.2) is
examined, this inductor can also be visualized as a capacitor with the metal line as the top plate,
the substrate as the bottom plate, and SiO, as the dielectric. Note that the substrate resistance is

ignored in the figure.

To study the frequency characteristic of the spiral as shown in Figure 3.2, the spiral is

modelled as a RLC distributed network! as shown in Figure 3.3. The model can be used to
explain the inductor behaviour. At low frequencies, the impedance is frequency independent
because the inductors behave like short circuits and the capacitors behave like open circuits.
Therefore, the spiral behaves like a resistor. As the frequency goes up, the inductive reactance
increases, but the capacitive reactance is still small enough to be ignored. The positive imaginary
part dominates over the real resistive part and hence, the impedance of the spiral becomes
inductive. However, at extremely high frequencies, the capacitance to substrate shorts all
inductance to ground, making the spiral capacitive. Therefore, research has been done on
suspended inductors [His96] and inductors with polyimide isolation [Rog01a] in an attempt to

minimize this capacitance for high frequency operation.

1. Substrate loss is ignored for now for argument simplification.
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cross-section

1
Inductance increélases

through mutual
magnetic coupling

<O

@

p-sub

Figure 3.2 Spiral inductor (a) top view and (b) cross section
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Figure 3.3 RLC distributed network of the spiral inductor

3.1.2 Quality Factor

Since the parasitics can change the characteristic of the passive devices significantly, a figure

of merit called “quality factor” Q is used to measured the ratio of the desired impedance to the

parasitics. This is formally defined as

0= Energy stored per cycle
Energy loss per cycle

(3.1

From the circuit point of view, it can also be treated as a ratio of the imaginary reactive component

to the real resistive component. For example, the O of an inductor L is
Q=— (3.2)

where L is the reactive inductance while Ry is the series resistance associated with the inductor.
The higher the Q, the less the parasitic effect and hence the better the quality of the inductor.
However, L and Ry are not constant because of (a) parasitic components C,,,,, and Ryura> and (b)

frequency effects such as magnetic coupling and skin effect. Therefore, to maximize the Q of the
inductor, the conductivity of the metal, substrate losses and frequency effect have to be

considered.
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3.1.3 Relationship between Inductance, Series Resistance and Substrate Loss

A good inductor has the inductance maximized and the series resistance and substrate loss
minimized. However, all these three parameters are correlated with each other for a given

structure. Consider the simplest form of an inductor: a metal line as given in Figure 3.4.

metal line

substrate (ground plane) isolation with permittivity &,

Figure 3.4 A metal line on a piece of substrate

The inductance L can be approximated by using microstrip formulas given by [P0z98]:

z
L==.7 (3.3)
Vp

where Z; is the characteristic impedance and v, is the phase velocity, given by:

_ 1207
JEw/d+139+0.67In(w/d+1.44)]
c
VP = T: (3.5)
Ee

€, is the effective permittivity given by

8):8;'+1+£r—1_ 1

¢ 2 2 N+12d/w
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where €, is the relative permittivity of the isolation!. The dc series resistance is given by:

!
R = p— (3.6)

where p is the resistivity of the metal. Finally, the substrate loss (in Q) is given by

Iz, )-wi (3.7)

para

Sross = (Z¢

“para

~ P

where Cpara and Rpara are parasitics per unit area.

Based on equations (3.3)-(3.7), the relationships between the physical design parameters and

the electrical properties of the inductor are summarized in Figure 3.5.

i V' h
(increase) {increase) (increase)

* *

Inductance T i ¢
Series

Resistance T l ¢

Substrate —

Loss T T

*
decrease slightly compared to increase in inductance

Figure 3.5 Relationship between electrical properties and physical structure

Figure 3.5 shows the electrical trends and trade-offs for an inductor between each pair of
design parameters. For example, if a large inductance is required at RF, the line has to be long
(large 7) while making the width narrow (small w) to minimize substrate loss, and maybe with the
option of stacking two or more metal levels together (increase /) to lower the series resistance.

However, the parameters are not linearly related to each other because they are heavily dependent

1. For simplicity, the loss factor is not inclnded since the equations are used to relate inductance to /, w and
h only.
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on the frequency of operation and the physical parameters of the technology backend. Therefore,

electromagnetic (EM) simulation is often employed to optimize the inductor design.
3.1.4 Metal Stacking in RFIC

A common design technique to reduce R, is to increase & by stacking two or more metal

levels, as shown in the cross section of Figure 3.6.

via

Si0,

sub

Figure 3.6 Metal stacking in monolithic technology

Vias are usually used to stack two metals, and ideally it is desirable to use as many vias as

possible to reduce the via resistance. However, process limitations such as the antenna rule! limit
the number of via placements for a given area. Therefore, placement of vias can be tricky for
submicron technology. Via placement suggestions are given in Figure 3.7. Each via has finite
resistance. However, multiple via placement makes such resistance negligible compared to R, of
the metal. Nevertheless, it is incorrect to assume that the via height as part of the total metal

thickness. The detail is given in Section 3.1.7.

1. Electrical charges build up during the processing of vias. If too many vias are placed for a given area, the
charges can be large enough to destroy the thin gate oxide [IBMO0]. Protection diode can sometimes be
used to resolve the problem. However, for circuits such as cross-coupled VCO, the parasitic components
of the diode degrades the circuit performance.
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Metal stacking also reduces device isolation. As shown in Figure 3.6, for a metal-stacked

device, the distance to the substrate is reduced from d;, to d;. Therefore, the parasitic capacitance!

is increased.

Since metal stacking reduces device isolation from the substrate, there is a trade-off between
series resistance and substrate loss. Moreover, due to the skin depth of the metal, extra stacking

may not improve the series resistance but the device isolation will still be reduced. Therefore, it is

1. Recall that capacitance per unit area C,,.. = &, /d where d is the distance to the substrate.
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reasonable to stack metals if the inductor is designed for 1 GHz, but not if the inductor is to be

operated at 40 GHz.
Generally, vias are placed Via placement where the current
where the most current changes direction, esp. the inner

flows so as to reduce the side where most of the current
series resistance. flows.

e et
o —

P

Most of the current flows on

the surface of the metal,

“. 4 esp. at RF due to the skin
J) effect. Therefore, vias at the
ys

edges are more important
than vias at the centre of the
metal.

v+

Figure 3.7 Via placement in a metal stacked spiral inductor

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 48 of 190



Inductor Design 33

3.1.5 Differential Excitation of Inductor

Having a high Q inductor is very important to many circuits, especially a VCO, because
inductor loss is the most significant contributor to phase noise [Lon97][Yue97]. One of the
common techniques to boost the O is to operate the inductor differentially [Dan98], which results

in substrate loss being reduced by one half compared to the single-ended excitation as explained

in Figure 3.8.
vy L R v,
starting
Rpa ~Cpara  inductor model
single-ended . _
excitation by differential
grounding excitation
port 2

Rpara

para
%ne sidedog combine Cpara
an and R
grc?lrf;]ded 03? k para
L R L R
V4 Vy Vy \/!
o______rYV\._W\r_______o

Rpar F(chara _.__K___l
substrate loss _/ VVV

reduced by 1/2 2Rpara

Figure 3.8 Models of single-ended and differentially excited inductor
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3.1.6 Copper Metal in Fabrication

Another way to boost the O of the inductor is to improve the conductivity of the metal to
reduce series resistance. Traditionally, aluminum is the most commonly used material for
metallization due to the ease of fabrication. Recently, copper metallization technology has

become mature enough to be employed in VLSI. The copper technology offers better

conductivityl, and it has much lower electromigration so that enables the metal to handle higher
current density. Therefore, narrower lines can be used, which not only help to save chip area, but
also reduce parasitic capacitance and hence improve circuit performance (reduced delay, for

exafnple).

There are two copper metallization approaches: one for digital VLSI circuits [IBM00], and
one for analog RF designs [Rog01a]. In digital VLSI circuits, thousands to millions of transistors
are to be connected by metal, so the interconnects are featured with short and fine metals (e.g., 0.5
um line width) to reduce parasitic capacitances, hence reducing the propagation delay and power
consumption. However, in analog RF circuits, much wider line widths are required (e.g., 25 pm

line width) for power supply lines and inductors.

The fabrication method for the fine and the wide lines are different, especially during the
etching steps, when the metal shape is defined. Fine metal is usually shaped by dry ion etch,

while wide metal is often processed by a wet etch. The fabrication process is shown in Figure 3.9.

Note that the fine line copper process cannot be used to make wide metals, and vice versa. For
the fine line process, if the metal is too wide, the concave surface profile due to the ion etching
process removes copper all the way to the bottom, leaving an opening at the centre, and hence the
conductivity of the metal is reduced. On the other hand, using the wide metal process to fabricate
fine lines is also impossible. A less controllable copper growing procedure expands the
dimension of the copper, making the process tolerance unacceptable for industrial standards.
Furthermore, the wet etch cannot be used for metals for fine resolution because it removes the

target metal lines, and for fine lines it may even remove the metals completely.

1. The conductivity of copper and aluminum are 1.6 uf3~cm and 2.7 uf2-cm respectively.
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In this thesis, since the IBM SOI process [IBM00] is used, the metal lines are fabricated with

the fine line copper process, which is not ideal for fabricating inductors.

Chem-mechanical polishing
(CMP) to remove excessive

copper above the PR Lift off photo-resist
‘l -1 _l and the extra
! copper seed on
_ J-— - v Jv < Copper top of them
7
Photo-
resist

Copper
Seed

Grow copper from
the copper seed

Remove
Photoresist

Concave surface

. Wet etch
dug o non-uniform to remove
polishing residue
copper at
the edges
(a) (b)

Figure 3.9 (a) Fine line copper process for digital VLSI and (b) thick copper metal process
for analog RF design

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 51 of 190



Inductor Design 36

3.1.7 Horseshoe Inductor

A few inductors have been designed for operation at different frequencies. The backend of the
SOI technology features multi-levels of copper metals and vias, and 10 um of low-k dielectric for
isolation [IBMO00]. Among these inductors, one of the designs is the horseshoe inductor as shown

in Figure 3.10, which is used for the VCO LC resonant tank around 4.8 GHz.

45° pend
(design rule)

virtual ground of
differential inductor

single loop
perfectly symmetrical
no overlaps

fits varactors
and actives
(layout issue)

a -
TR e e

Figure 3.10 Horseshoe inductor

The horseshoe inductor is designed to operate differentially. Even though a single loop
inductor does not provide large inductance, it only requires one level of metal without overlaps,
and hence it is perfectly symmetrical. Furthermore, as the operating frequency increases, both
inductance and capacitance required for the LC resonator decreases, therefore a multi-turn design

is sometimes not necessary.

During the design phase, the technology design kit for inductors was not available, and

therefore EM simulation with IE3D [IE3D] was used for inductor design. The inductor was
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constructed by stacking the top two layers of 1.2-pum-thick copper metal using bar-shaped vias.
Metal stacking was used because (a) resistive loss is greater than substrate loss due to good
inductor isolation, and (b) the skin-depth is more than 1.2 um in the 4.8 GHz range. The diameter
of the inductor 1s 460 um. Assuming the metal thickness is 4 pm (thickness of two metal layers
plus via height), the simulation gives an inductance of 0.65 nH, with single-ended peak O of 40 at
4 GHz.

The simulated small-signal s-parameter model is optimized to a lumped circuit model as
shown in Figure 3.11. The model consists of seven sections of a simple transmission line model,
and the inductance L for each line represents both inductance for the line and coupling from the

single loop.

inductance series resistance

of inductor \ / of inductor
L R
port 1 port 2
e @ @ B © 0 @ rmmmemipe
model with
C

seven sections

COX OX . A
. . of fransmission
dielectric line model

capacitance Rsub x5
Rsub ;:
Csub Csub
substrate
substrate :
resistance capacitance

Figure 3.11 Inductor compact model for circuit simulation

The one-port s-parameter measurement is shown in Figure 3.12. The measured inductance is
about 0.85 nH with peak Q around 24 at 3 GHz. The large discrepancy between theory and
measurement is primarily due to the fact that, since it is impossible to fill the via bar between the
two metal layers, the true metal thickness is not the same as was assumed in theory. Therefore,

the effective metal thickness is only 2.4 um instead of 4 pm. The inductance is therefore
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increased as described in Figure 3.5. As for Q, the change in thickness causes R, to increase by
about 67%, and from (3.2), O is decreased from 40 to 24 as measured. The measured peak O
frequency is very close to the simulated results because the distance between the lower metal and
the substrate remains the same, and hence Cp,,, is predicted correctly. The slight shift in
frequency is due to the change in inductance. Note that the measurement near the peak Q is not

smooth. This is due to measurement limitations because the small parasitic resistance causes

numerical error in O computation.

150

inductance [nH]

13

11

2 3 4 5 6 7 8 9 10
frequency [GFiz]

Figure 3.12 Single-ended measurement of horseshee inducter
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Despite the discrepanéy in the simulation results, the horseshoe inductor offers high O and
reasonable inductance for VCO applications. Note that the structure of the inductor is perfectly
symmetrical, and therefore the O will be much higher when operated in a differential VCO. The

inductor performance summary is given in Table 3.1.

Table 3.1: Horseshoe inductor performance summary

inductance 0.84 - 0.86 nH between 2 to 5 GHz
19 >20 between 2 to 5 GHz
peak O 23 at 3 GHz

resonant frequency | > 10 GHz

diameter 460 um

3.1.8 Multi-Level Multi-Turn IF Inductor

A choke was designed for analog filters at the IF stage. This choke is an octagonal spiral
which is interwound between 4 levels of metal and has 3 turns per level as shown in the
micrograph Figure 3.13. It has a structure which ensures that all the current is going in the same
direction, and the metal-to-metal spacing is minimized to result in maximum coupling. Since the
frequency is not high, the series resistance is more dominant than the substrate loss, and therefore
metal stacking is used to reduce the lossy parasitic. Since EM simulation is impractical, the

inductance is estimated by an analytical formula with substrate loss ignored [Lee98]:
L = dmpn’r (3.8)

where U is the permittivity of space, # is the number of turns, which is 12 (4 levels with 3 turns),

the outer radius # is 70 lm, and the inductance is estimated to be 12 nH.
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Figure 3.13 Micrograph of multi-level multi-turn IF inductor

Next, the resonant frequency is to be estimated. Using the parallel plate capacitance formula

_ €5
c=-L (3.9)

where d is the distance between the lowest metal level and the substrate, the effective parasitic

~

capacitance per unit area' Cpara is approximately 16 PF/m®. The total metal area is

approximately 9 x 10~ m?, and therefore the total parasitic capacitance is 0.15 pF. The resonant
frequency f,, is calculated by using

Jres (3.10)

_ 1
2rJLC
which is approximately 3.7 GHz. The measured inductance and Q using a one-port s-parameter
measurement is shown in Figure 3.14. The inductance is approximately 16 nH between 100 MHz
to 1.6 GHz, where the Q peaks at 7. The resonant frequency is approximately at 4 GHz. Note

that the analytical formula gives a good approximation as long as the inductor is operated at low

1. Estimated from the minimum distance between the metal and the substrate.
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frequency. The high inductance and small chip area (140 um by 140 pum) makes this inductor
attractive for RF or [F choke applications.
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frequency [GHz]

Figure 3.14 Measurement of multi-level multi-turned IF inductor

3.2 CMOS Accumulation Mode Varactor

The AMOS capacitor has recently been a popular choice for VCO varactors [Ain00][Fon02e].
A good C,,,,/Cyin tatio of about 3.5 has been reported in a 0.25 pm bulk CMOS technology with
a tuning voltage of £1 V [Sam01]. This ratio can be improved further by using better lithography
and SOI technology to reduce the parasitic capacitances, and a C,,,,/C,,;,, tatio of 5 for the same
tuning voltage has been demonstrated in this technology [Zam01]. These AMOS varactors have
been employed in several VCO circuits (see Chapter 4), and measured results showed that they
can work at 40 GHz and beyond [Fon02c]. Despite the good performance, a study of these types

of AMOS at the device level has never been conducted. Furthermore, AMOS varactors are
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critical for the VCO design as described in Chapter 4. Therefore, in this section, the structure and
basic operation of AMOS capacitor is first reviewed. Then, measured C-V and Q-V data are
presented, and the varactor performance is evaluated. Finally, AMOS varactor designs in SOT and

bulk are compared.
3.2.1 AMOS Structure and Operation Principle

The cross-section of an n-type AMOS varactor in SOI is shown in Figure 3.15a. The structure
is very similar to a MOSFET, except that both the channel and source/drain regions are doped
with the same dopants, which is n-type in this case. The channel is isolated from the substrate by

the buried oxide, forming the parasitic capacitance Cp,,. The gate of the device is defined as the

cathode v*, while the source and drain are tied together, forming the anode v~ of the device. The
symbol for the AMOS varactor is shown in Figure 3.15b, with the convention that the varactor

arrow is pointing towards the cathode.

neutral region n”

(@ (b)

Figure 3.15 (a) Structure and (b) symbel of AMOS varactor

An AMOS capacitor has three modes of operation: accumulation, depletion and inversion as

shown in Figure 3.16, and the capacitance of the device depends on the mode of operation.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 58 of 190



CMOS Accumulation Mode Varactor 43

majority carriers

i a) accumulation mode
neutral region n’

b) depletion mode

depletion
region

c) inversion mode

neutral region n”

depletion
region

Figure 3.16 Operation principle of n-type AMOS varactor

When the gate electrode is very positive, the AMOS is operated in the accumulation mode.
The majority carrier forms a conduction plane at the surface of the channel, and the capacitance of

the varactor C,, is the gate oxide capacitance, which represents the maximum capacitance (C,,,,):

c,=C

Vv ox

(3.11)
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As the gate electrode becomes negative, holes are attracted to the surface and neutralize the
electrons, and a depletion region is formed. Therefore, the varactor capacitance is the gate oxide

capacitance in series with the depletion capacitance Cj:

_ CoxCa’
C‘, = m 3.12)
where Cj;is given by
Eo-
c, = =2 (3.13)
tdepl

where #4,,; is the depletion depth as defined in Figure 3.16. The depletion depth is gate voltage

‘dependent, because the depth of the depletion depends on the amount of holes attracted to the

surface for neutralization. For a given doping and voltage, 74, can be calculated by:

2euby

fdepl = ( qu (3]4)

where ¢, is the surface potential and N 1s the doping concentration of the depletion region.

This depletion region grows with increased voltage across the AMOS capacitor, and this
capacitance-voltage dependency continues until inversion is reached. A sheet of holes (minority
carriers) accumulate at the surface of the channel, shielding the depletion region from growing
any further. Unlike the MOS device, although this inversion layer of holes is conductive, it is
insulated from the n-type S/D terminals by the pn junction voltage barrier. This represents the
minimal capacitance (C,,;,) of the varactor, and any further decrease in voltage does not change

the capacitance.
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3.2.2 Figure of Merit

Two figures of merit (FOM) are often used to measure varactor performance: C,,,/C,,;, ratio
and quality factor Q. C,,,,/C,p:, 18 the ratio of maximum to minimum capacitance that the AMOS

device can provide, which is a measure of tunability. The higher the capacitance ratio, the wider

the tuning range. C,,, is usually determined by the gate oxide capacitance C,,, while C,,;, is
usually limited by the overlap capacitance C,,, and buried oxide capacitance Cj,, as defined in

Figure 3.17.

Figure 3.17 Lump model of AMOS varactor

Q is the ratio of the reactance to resistance of the passive device, which is given by

1

Q= —= (3.15)

¥y

where C, is the total series capacitance given by C,,, depletion capacitance Cy and the parasitic
capacitance, while R, is the series parasitic resistance including the channel resistance R, and

gate resistance R,. The gate oxide C,, usually has very high quality (and hence high Q) to prevent
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oxide breakdown. Most of the lossy parasitic component (grouped as R,,) comes from the

channel, where the depletion layer forms. The channel resistance is proportional to the gate
length, therefore a lower channel series resistance is expected for a smaller gate length /. At the
same time, making the gate length smaller may decrease tunability because of the overlap
capacitance from the side walls which is bias independent. Therefore, minimum gate length

provides the best Q but the worst tuning range.

To improve O further, the gate resistance can be improved by (a) connecting both ends of the
gate-poly with metal (double-side tapped gate), which reduces the resistance by a factor of 4, and
(b) using multi-fingers that reduces the resistance by a factor of m, where m is the number of

fingers. If these techniques are employed, R, is usually msignificant compared to R
Meanwhile, channel resistance R, can only be improved by reducing L. Making the AMOS
varactor with wider channel width or multi-fingers does not improve R_;,. This is because if the

channel resistance is reduced by m times, the area is increased by m times, and the effective O

remains the same as shown below:

B 1 o
Q h R(’h mCRch (316)
w-mC- ";I—

Therefore, R, 1s usually the dominant factor for lossy parasitic components. This is verified

by device simulation [MEDICI], which demonstrated that if a 0.2 um instead of a 0.1 um
lithography is used, Q is reduced by half due to the 2 times increase in channel resistance (Figure

3.18). Therefore, the gate lithography is crucial for making a good AMOS varactor.
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Q|

Q-V plot of 0.1um vs. 0.2um AMOS Varactor at 10GH7
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Figure 3.18 Q-V curves for channel length of 0.1 um and 0.2 um

3.2.3 Measurement

The varactor in this technology was measured with a one-port s-parameter measurement at 1

GHz [Zam01]. The capacitance and Q are shown in Figure 3.19. As described in Section 3.2.1,

there are three modes of operation: accumulation mode in region 4 where the capacitance is the

maximum (almost 100% of C,), depletion mode in region B where the varactor gain k,, (defined

as change of capacitance per unit voltage) is high, and inversion mode where the capacitance

flattens at minimum capacitance at 16% of C,,. The varactor has a Cy,,,/C,,;, about 6.
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Figure 3.19 Measured C-V and Q-V curve of a AMOS varactor at 1 GHz

As for @, it first drops from 120 to a minimum around 95 when the operation of AMOS shifts
from accumulation (region A4) to depletion (region B), then it rises again as the AMOS shifts
toward inversion mode (region C). The Q characteristic of an AMOS varactor can be explained

using a similar charge redistribution argument as in Section 3.2.1.

In the accumulation mode (point 4 in Figure 3.19), the majority carriers are attracted to the
surface of the channel, forming a conductive layer that lowers the channel resistance, with the
result that Q is high. By decreasing the voltage at the cathode v', the AMOS enters the depletion-
mode, moving from point 4 to region B. Majority carriers are repelled from the surface of the
channel, and the carriers are recombined to form the depletion region. Since there are fewer

conductive carriers in the channel, the channel resistance increases and therefore O decreases

according to (3.15). The Q decreases as v decreases, until the voltage becomes so negative that
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minority carriers start to accumulate at the surface of the channel. There are two reasons for this:

(a) while R, is lower in the accumulation mode, C, in the inversion mode is about 4.5 times

lower! than in the accumulation mode given by C,,,/Cpyin» therefore Q in the inversion mode is
better than in the accumulation mode according to (3.15), and (b) high O parasitic capacitance

such as overlap capacitance dominates in inversion mode, so that the overall O of the AMOS

device increases [Fon02e].

Finally, a performance summary is given in Table 3.2.

Table 3.2: AMOS varactor performance summary

technology 0.13um SO1 CMOS
tuning voltage +(0.9)V
capacitance 16% -97% of C,,
Crard Conin Tatio 6

() 95-170at 1 GHz

3.2.4 SOI vs. Bulk

In this section, the performance of AMOS is compared between SOI and bulk technology
using device simulation [MEDICI]. The simulated C-V curves, shown in Figure 3.20,
demonstrate that C, in bulk is much larger than in SOI. This is because the parasitic capacitance
formed from the depletion region between the n-well and the p-substrate is larger than that formed
from the buried oxide between the S/D region and the p-substrate. For cathode excitation (Cyy),

the C-V characteristics for both SOT and bulk are the same because the anode is analog grounded.

1. Note that the ¢ is only measured down to a control voltage of 0.6 V due to apparatus limitation.
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As will be described in Chapter 4, the C,, and CSSl symmetry is crucial for differentially-

tuned varactor topology for good common-mode noise rejection [Fon02b], for which the ideal

case is

ng = CSS

(3.17)

Therefore, SOI offers much better symmetry for common-mode rejection, which is critical for

low-voltage VCO design. Finally, from simulation, Q is roughly the same for both technologies.

ColbUl)
: ) o

Ces (S

CIF]

A5k U (RPN L R -

Figure 3.20 Simulated C-V curves of SOI vs. bulk AMOS at 10 GHz

1. C,g is capacitance seen from the gate (cathode), and Ciy is capacitance seen from the source (anode).
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3.3 Test Pads

Since both inductors and varactors are high-Q, high-frequency elements, test pad design
becomes trickier because parasitics in the pad may lower the Q of the device under test (DUT)
significantly. One of the most commonly used probes for the passives in this work 1s the ground-

signal-ground (G-S-G) probe. The pad design and its philosophy is shown in Figure 3.21.

wide enough so there minimum width

is room to adjust the to reduce substrate
signal probe in a loss that is area
small dimension dependent

Ground Pad

long enough so
there is room for
" the probe to

Signal scratch the pad
Pad
Ground
Pad

/ sub

Z ground shieid from the substrate, and this is the metal (or poly)
furthest away from the signal pad to reduce capacitance

Figure 3.21 Test Pad Design

Since substrate loss is area dependent, the signal pad is made as small as possible. The ground
shield is very important for RF measurement. First it connects all the ground pads together to
provide a single reference level, as very often the probe does not have the grounds shorted
together at the probe tip. However, the most important feature of the ground shield is that it
isolates the signal pad from the substrate. With the parasitic capacitance defined by the top and
bottom level metal (or poly), de-embedding is much easier and more accurate. A standard open-

and-short de-embedding scheme is used to subtract the pad parasitics.
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3.4 Summary

In this chapter, two important passive components, namely the inductor and varactor, for radio
applications were discussed. First, the structures and theories of monolithic inductors were
explained. The design of the single-loop inductor was given, and a §.85 nH horseshoe inductor
with single-ended O over 20 between 2 to 5 GHz was measured. Then, the design of a multi-turn,
multi-level area-efficient IF inductor was presented, with the measured inductance of 16 nH
between 100 MHz to 1.6 GHz. Next, the AMOS varactor was mentioned. The physical operation

principal was explained, and the figure of merits, C,,,,/C,,;, ratio and O, were defined to evaluate

the performance of the component. The varactor has a measured C,,,,/C,,;,, ratio of 6 over a

tuning voltage of £0.9V, with Q over 95 at 1 GHz. Finally, the design of the test pads used for

measurement was discussed.
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A voltage-controlled oscillator (VCO) is a one-port circuit that generates a relatively large
periodic signal at a particular frequency. This frequency has to be tunable for several reasons,
including the need for frequency selection and phase locking when the oscillator is used as a local
oscillator for a receiver, and compensation for process variations. The relatively poor phase noise
and tuning range of CMOS VCOs are major bottlenecks for RF CMOS receivers in meeting most
commercial specifications. The downscaling of CMOS further complicates VCO realization,
because the low breakdown voltage of modern submicron transistors limits the operating voltage
to less than 1.5 V. This not only imposes further limitations to the already-low tuning range, but
also degrades phase noise because the varactor must have a higher gain if the same tuning range is
to be maintained. Although this tuning range problem and the associated phase noise degradation

is obvious and critical for CMOS VCO realization, it has seldom been addressed in the CMOS

literature!.

In this chapter, the problems of poor phase noise and limited tuning range mentioned above
are addressed, and a feasible commercially realizable solution is provided. For phase noise
improvement in CMOS VCOs, the general VCO operation theory and design procedure based on

the time-invariant Leeson’s formula [Lee66] are first reviewed. Then, the cyclostationary noise

1. In other technologies, yes [Bur97]. Tt is likely that the CMOS world is well aware of the problem, but a
solution has not yet been found and therefore the problem is conveniently ignored or forgotten
[Wan01][Tie02].
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properties in the time-domain are examined using impulse sensitivity function (ISF) [Haj99], and
the relationship between the phase noise improvement and waveform symmetry is interpreted.
Based on this interpretation, a novel concept of simultaneous g,, and impedance matching that
gives better waveform symmetry 1s introduced, and the proof-of-concept in terms of phase noise

improvement is provided by simulations and experimental results.

Next, the problem of poor tuning range of CMOS VCOs at low voltage is explored. The
application of high-gain accumulation MOS (AMOS) varactors in SOI as described in Chapter 3
is mentioned. However, such a high gain degrades phase noise, and the relationship between

varactor gain and phase noise is discussed. Two solutions, namely band-switching [Fon02a] and

differential tuning [Fon02b], are introduced to reduce the degradationl. The advantage of SOI
over its bulk counterpart is significant, and will be discussed in detail. The verification of the

developed concepts by simulation and experimental results is given.

Despite the low breakdown voltage, the submicron feature size, together with low-voltage
operation, improves the speed of the transistor dramatically. Moreover, the reduced parasitics in
SOI allows the varactor to have a reasonable tuning range at very high speed. In order to study the
performances of the passives (inductor and varactor) and the actives (PMOS and NMOS
transistors in SOI) at very high speed, a 40 GHz complementary LC VCO was designed and
implemented. The measurement results are given, and the VCO limitations at very high speed are

discussed.

1. Although these two topologies have been used recently {Lov01]{Tie01], they have never been used in a
low-voltage context for phase noise improvement, and have never been implemented.in SOIL.
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4.1 Topology and Operation Theory

There are many circuit topologies for VCOs, but in this thesis, all the VCOs implemented are
based on the complementary LC VCO due to its simplicity and inherently differential nature

[Lee98]. The circuit topology is shown in Figure 4.1.
"

St

AN
L
R

m;i@;m w

(a) (b}
Figure 4.1 (a) Complementary VCO and (b) the associated LC resonator

The eomplementary VCO consists of a resonator for frequency generation, and both PMOS
and NMOS latches to compensate for losses of the resonator. The resonator can be modelled as

an inductor L in parallel with a capacitor C', and the resonator losses are lumped as a parasitic

resistor sz as shown in Figure 4.1b. The frequency of oscillation f;, is then given by

1
2rANLC

f, = (4.1

1. The varactor is modelled as a capacitor to simplify the explanation.
2. Note that since R, is connected in parallel, the higher the R, the lower the loss.
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Since energy is lost due to R, extra energy must be provided to maintain the signal amplitude.

The latches serve this purpose. Consider the small-signal diagram of a latch as shown in Figure

4.2, assuming the transistors M; and M, are identical.

Ro GmVY1 _ Cgs

Zlatch‘l

Ly Z4
Vo V1 vy ‘—_I L vy
M, ‘_><_’ M,

v

Cgs ImV2 Ro

v

C (b)

Figure 4.2 (a) Latch schematic and (b) its simplified small-signal model

The equivalent impedance of the latch Z,,,, is the series equivalent of Z; and Z,, which are given

by
Zy = v/ (gmVa) (4.2)
Zy, = vy /(g,V1) (4.3)
Since v; = —v,, the latch behaves like a negative resistance such that
Ziaten = —2/8m (4.4)
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which is g, dependent. For a complementary topology as shown in Figure 4.1a, the equivalent

impedance Z, is given by

Zc = *2/(gmp+gmn) (4.5)

where g,,, and g, are the transconductances of PMOS and NMOS respectively. Therefore, for

the circuit to oscillate, the following condition must be met!:
|Z Cl < Rp ' (4.6)

where R, is the lumped parasitic resistor as shown in Figure 4.1, and the resonator becomes
purely reactive and resonates without amplitude attenuation. In the actual circuit implementation,
/Z,] is often made at least two or three times smaller than R, to guarantee oscillator start-up. The
amplitude is limited by the non-linearity of the transistors such that if the voltage is too high or
too low, the node voltage of the resonator turns off the PMOS or NMOS respectively. Such non-

linear operation makes the output sinusoidal-like (this is not a perfect sine wave).

The calculation above assumes the inductor is the only parasitic element, and does not include
energy loss from the varactor and the active devices. At frequencies below 10 GHz, the
accumulation MOS varactor as described in Chapter 3 has very high ¢ compared to the inductor,

therefore its effect on Z, is insignificant. However, for the transistors, especially with a submicron

gate length, the output impedance is significantly lower than that of a long channel counterpart.
The output resistance is usually of the order of few hundred ohms, and therefore it must be
included for more accurate Z. estimation. Using the equivalent circuit diagram as shown in

Figure 4.3, the overall R,y is

R =(-1-+ 1 +—1-)_1 4.7
prco ~\R T3R_ T2R ‘

1. Note that all components are in the parallel configuration.
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where R, is the parasitics from the passives, and R, and R,,, are the output resistances of the

PMOS and NMOS transistors respectively.

P

transistor controlled
current source:
behaves like an
open circuit

C
AT
AN
L
- 0000 |
RP

A

P

Ron

Rop

Figure 4.3 Primary parasitic resistances in complementary VCO
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4.2 Phase Noise, Leeson’s Formula and Oscillator Design

The primary figure of merit! of the VCO is the phase noise, which is measured in dBc/Hz. It
is a measure of the spectral purity of the signal the VCO generates. Ideally, a delta-function-like
spectrum with limited amplitude is desirable, but realistically, different noise sources in the circuit

make the spectrum skirt-like as shown in Figure 4.4.

Realistic Skirt-like
Spectrum

Ideal Cutput

Power Spectrum

Frequency

Figure 4.4 VCO output spectrum

Phase noise Lcan be described by the well-known Leeson’s formula [Lee66]

LAf) = 101og(:2—£’z\;,)2[1%(1 +£€fﬂ (4.8)

where f,, is the frequency of oscillation, Q is the quality factor, Af is the frequency offset from the

carrier, F is the noise factor of the amplifier gain element, % is Boltzmann’s constant, 7 is the

temperature, P, is the RF power produced by the VCO, and f, is the flicker noise corner

frequency.

Leeson’s formula is based on a time-invariant model, in which the noise sources are assumed
stationary and independent of time. However, a better description of phase noise is

cyclostationary (time varying ). Good examples can be found in [Haj99]. Despite the deficiencies

1. Other figures of merit include power consumption, tuning range and output power etc..

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 75 of 190



Phase Noise, Leeson’s Formula and Oscillator Design 60

of the model, Leeson’s formula provides many important insights for designing a good VCO.
The following are the general design procedures used in this thesis, with Q, P, and F used as
design parameters. The minimization of f,. is less obvious, and is described in detail in Section

4.3.

The Q of the resonator is the dominant factor which contributes to the phase noise as

described in Leeson’s formula. As the Q of the inductor-on-chip is usually poorer than that of the

varactor, the major focus is on the Q optimization of the inductor!, as described back in Chapter 3.
Next, (4.8) suggests that phase noise decreases with increasing output signal P,. To maximize P,
in the complementary VCO, the voltage swing has to be maximized. This can be achieved by
setting the dc operating voltage at the resonator to Vpp/2 by making the g, of the PMOS the same
as that of the NMOS:

&mn (4.9)

=g
&m Smp

Then, the current /p; required to achieve a maximum swing of ¥V is calculated using

Voo _ Yop
Rypeo  Q0,L

IDD -

(4.10)

with the approximation that the inductor is the dominant contributor to Q of the circuit. This
current Iy represents the minimum current required to achieve maximum output swing. Further
increases in I, will not improve P, but increase the drain noise, degrading the noise factor F.
Therefore, Ipp is the optimum current for the best phase noise achievable, provided that it can
generate enough energy for the VCO to start up and oscillate. This can be verified by the value of
g, for a given Ip,. First, the transistor dimensions, namely width w and length /, are estimated by

the square law model:
w

Ipp = k7 (Vo= Vi) (4.11)

&

1. However, this is not true at very high frequency such as 40 GHz, and details are given in Section 4.8.
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where k), is given approximately by [1,C,,/2, Vs is Vpp/2, and Vy, is the threshold voltage of the
device. Then, g, is given by
w

&m = 2k, T (Vgy= V) (4.12)

&

Hence, the g, in (4.12) must be checked against (4.5) and (4.6) to ensure the transistors provide
enough energy for oscillation. Once the oscillation condition is confirmed, the phase noise

minimization problem is reduced to inductor optimization1 because noise factor F is a function of

Ipp, and Ipyp is directly related to Q from (4.10).

Once the inductance L is determined, the required capacitance C can be easily calculated by
using (4.1). However, care must be taken to ensure that the varactor is large enough to provide

enough tuning range, and this is discussed in Section 4.5.

4.3 Waveform Symmetry

As pointed out by many [Wei94][Dem00], the phase noise in a VCO is time-varying, and a
better assumption for the phase noise behaviour is cyclostationary: that is, the phase noise
behaviour repeats itself for every cycle of oscillation. If a time-varying model is used, flicker
noise upconversion can be minimized by exploiting waveform symmetry for example [Bra00], by
using the impulse sensitivity function (ISF) [Haj99]. The ISF is a periodic function that describes
the sensitivity of an oscillator to phase perturbation due to the amplitude noise for the circuit.
Ideally, making ISF zero results in no conversion of amplitude noise to phase noise. Of course,
anything ideal is impossible, but one can minimize certain noise conversions from certain
frequencies by manipulating the ISF. One classic example given in [Haj99] is flicker noise
upconversion. If the waveform is half-symmetrical (i.e., no even harmonics), the flicker noise

upconversion is minimal. Mathematically, the waveform f{7) is given by

A = A1 T/2) (4.13)

1. Design for inductance, frequency of operation and peak Q.
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where T is the period of the waveform. This has been confirmed by [Pos98], and is summarized

as follows:

1. for minimal flicker noise upconversion, the waveform is half-wave symmetrical as given by
(4.13);

2. DC offset does not affect waveform symmetry;

ISF provides insights to the waveform properties in the time domain, overcoming the
deficiency of the time-invariant model. This is especially important for CMOS VCOs because

upconverted flicker noise from the MOS transistor is comparable to the noise caused by the loss in

the resonator. Despite the good waveform treatment by ISF, it is mathematical and indirect, and
design using ISF involves certain parameter optimizations. In the following section, a simple
physical model of waveform symmetry is introduced, providing an alternative for understanding
the relationship between waveform symmetry and phase noise. Then, a new design methodology

based on the insights gained by this model is developed.
4.3.1 A Physical Waveform Symmetry Model

The shortcoming of the time-invariant model is that amplitude noise is assumed to be time-
independent. The ISF model, assuming that the noise is cyclostationary, resolves the problem by
including the amplitude noise as a function of time and expressing it as a periodic function. ISF
analysis suggests that phase noise is the most sensitive at the zero crossing, where the amplitude
noise causes the most phase jitter. Therefore, for simplicity, the model assumes that phase noise
is purely determined at this location. Furthermore, the switching is fast at the zero crossings for
negative g, VCOs, and therefore the waveform near the zero crossings is considered to be linear
as shown in Figure 4.5. With these two assumptions, the phase deviation ¢ due to amplitude noise
described by voltage v,, is given by

2n Va

=3 (4.14)

1. The flicker noise of the transistor is much lower in bipolar technology, and the loss of the resonator usu-
ally dominates. Therefore, flicker noise upconversion is not as important,
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where T is the period, and S is the slew rate (slope) of the waveform near the zero crossing.

upper amplitude

. noise boundary
N

N

amplitude
noise

U # time

zero
crossing

lower amplitude

A & noise boundary
|
R o iy
! phase !
noise

Figure 4.5 Relationship between amplitude noise and phase noise in the time-domain

For a given period, there are two zero crossings: one when the signal slews up with the slope

defined as S,,, and the other when the signal slews down with the slope defined as S;. For a given

frequency of oscillation f,, the slews add up to a constant such that

1 1
—+— =k (4.15)
Su Sd

where k is a constant defined by f,. The slopes S, and S; have opposite sign. Next, two

assumptions are made: (a) v,, is independent of time, and (b) the magnitude of v, is the same for

both slew-up and slew-down. Then, the phase noise for a given period T'is

- @]

Substituting S, from (4.15) into (4.16) and setting d¢/dS,, to zero results in S, for minimum ¢:
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=
it

(4.17)

“e

Putting (4.17) back into (4.15) gives
1S = 1S4 (4.18)

that is, the slew rates of the up-and-down cycle are the same. This corresponds to the half-wave
symmetry using ISF with only the two zero-crossings of the oscillation waveform are considered.
Both theories suggest that noise upconversion from even harmonics is minimized if the waveform
is symmetrical, and hence the overall phase noise is reduced. In fact, this model can be
considered as a simplified version of ISF method with v, generalized. However, rather than using
extensive simulations to optimize the waveform symmetry using ISF, the simple model suggests
that phase noise is minimal as long as (4.18) is met: if the noise is uncorrelated and equal in
magnitude, making the up and down slew rate the same will minimize phase noise, regardless of

the individual noise contribution. This simplified VCO design drammatically.

k4 A
CPMOSr‘[ Cemos i-=1 ¢ ¢
§ \Y/
]

Cnmos a:

@ (b)

Figure 4.6 Simplified single-sided model of complementary VCO at (a) signal swinging up

and (b) signal swinging down
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For circuit realization, the slew rate is usually not the same for S, and S; due to the asymmetry
of the active devices. Consider the simplified single-sided equivalent circuit as shown in Figure
4.6. The resonator sees a different impedance when the signal swings up and down. To a first
order (i.e., only Cg is concerned), the frequency shifts for every half a cycle, and the resultant

resonant frequency is given by

fo = }';[A/L(C“L Cpuos) + JL(C+ CNMOS)]—l (4.19)

For the waveform to be symmetrical as given in (4.13), transistor impedance seen by the resonator

must be the same, resulting in:

Cpumos = Cnumos (4.20)

4.4 Simultaneous g, and Impedance Matching of PMOS and NMOS
44.1 Theory

As described in the previous sections, the phase noise of the VCO can be minimized by doing

the following:

1. “g, matching”: the g,, of both PMOS and NMOS transistors should be the same such that

Wpyos” Lpyos _ Kpwmos 421)

Wymos” Inuos kaM()S

where k;, is the process parameter of the transistor. This condition allows maximum output

voltage swing;

2. “impedance matching™: the input impedances seen by the resonator, determined by Cy, of the

transistors, are the same as given in (4.20) to achieve half-wave symmetry, which leads to

Wpaos * Ipmos = Wamos Insos (4.22)
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If minimum gate lengths are used such that 7p;,0¢ = 1705, condition (4.21) and (4.22) cannot

be satisfied simultaneously because &, ps05# Kpnas0s I, In most of the literature
[Mue00][Tie01], “impedance matching” is preferred over “g,, matching”, because upconverted
flicker noise is the major noise contributor in CMOS VCOs, and output signal power P, gained

from “g,, matching” is not as significant.

It is, however, possible to satisfy both conditions simultaneously. This can be achieved by not

using the minimum gate length for NMOS. This frees up the design parameter [y, making

(4.21) and (4.22) solvable simultaneously. Analytically, using (4.12) and the square law model,
the required w and [ for both PMOS and NMOS for simultaneous g,, and impedance matching

arc:

[PMOS = Imin (423)
Em

Wonos = .
PMOS 2kaMOS( VDD/2 - Vih) mn

ngM()S
Inpos = / % L (4.25)
D PMOS

o
Sm

WNMOSs ~ !
2,,/"'pPMOS‘ kpNM()S “Vpp/2=Vy)

(4.24)

(4.26)

min

where /,,;, 1s the minimum gate length.

Using non-minimum gate length degrades the speed of the tramsistor. However, in
complementary topology, the PMOS transistors limit the performance, thus using non-minimum
gate length for NMOS does not necessarily hinder the overall circuit performance. Finally, aside

from serving the purpose for simultaneous matching of g,, and impedance, the use of non-

minimum gate length has the following advantages. First, the flicker noise of the transistor is

1. kynpros is usually 3 times larger than kppy0s.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 82 of 190



Simultaneous gm and Impedance Matching of PMOS and NMOS 67

reduced with increasing transistor length. For the BSIM3 [BSIM] model, the flicker noise current

density is given by:

5 ke I}
ifz» = iﬂi (4.27)
S Corl

where kyis the flicker noise coefficient, o is flicker noise exponent, /is the frequency and C,, is

the gate oxide capacitance per unit area. Second, from the square law model, the output
impedance R, of the transistor improves with increasing gate length by reducing the channel

length modulation A because

i

R, (4.28)

L
Mpp
and A is given by

i
A= ds (4.29)

2-1- N, VDSw_von + q)b

where k4, and ¢, are process parameters’, V7, s is the voltage between the source and drain of the

transistor, which is Vpp/2 in complementary VCOs, and v,,,, is the on-voltage given by V, -V, .
An increase in R, reduces the loss of R,pco given by (4.7), which results in a phase noise

improvement because of the higher Q of the circuit. At the same time, lower loss requires less

negative g,,, and hence less I, because

2y

Von

<38 (4.30)

Lok, = PR and g, = | Y22 | where e s ittivity, g is the charge of an el ki
kg = _‘]_ZE. and ¢, A?n 7| W cre € 18 the permittivity, g 18 the charge of an electron, k is

n
1
Boltzmann’s constant, 7T is the temperature in Kelvin, N, and Np, are the doping of the p- and n-type
material respectively, and #; is the carrier concentration of intrinsic silicon.
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and hence the noise factor F is lower (due reduced drain shot noise).
4.4.2 Design and Simulation

The key for simultaneous g,, and impedance matching relies on the use of non-minimum gate

length for NMOS transistors. The rest of the design procedure is the same as given in Section 4.2.

Once the required g,, was determined, the w and / for PMOS transistors were found by (4.23),

(4.24) and circuit simulation.

The input impedance of the PMOS latch Zpy;og was then determined by small-signal
simulation across the frequency band of interest as shown in Figure 4.7, with the nodes at v; and
vy set to ¥pp/2. Next, the NMOS latch was designed. To achieve simultaneous g, and
impedance matching, Ipp and Zys0¢ of the NMOS latch were made the same as Ipp and Zpysg
of the PMOS latch. Equations (4.25) and (4.26) were used for an initial guess, and the design was
then refined using circuit simulation, as shown in Figure 4.8. For a first-order approximation,
only the imaginary parts of Zpy,n¢ and Zyuos are matched because waveform symmetry is

dominated by capacitive matching as given by (4.20).

T Vop

Znmos
lIDD l'DD
M4 M2 vy vq
llDD

Vo V4

M M
1IDD 3 4

v

Figure 4.7 Simultaneous g, and impedance matching

Zppos
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Figure 4.8 Impedance matching with s-parameter simulation in the band of interest

The latches were put together with the resonator to construct the VCO as shown in Figure 4.9.
A band-switching topology was used for varactors, using AMOS capacitors with nominal
capacitaﬁces 0.4 pF (Cp), 0.4 pF (Cy) and 1.2 pF (C3). More detail is given in Section 4.6. The
inductor is a horseshoe-shaped single loop as described in Chapter 3. The measured inductance is
0.85 nH with Q greater than 20 across the band of interest, which is between 3.0 GHz to 5.6 GHz.

The bias-T is used as an inductive choke for measurement purposes. Further details are given in

Section 4.9.
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Figure 4.9 Schematic of the simuitanecusly matched VCO
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4.4.3 Experimental Result

The VCO was measured using wafer probing together with a 26.5 GHz HP8563 spectrum
analyzer with a phase noise module. The frequency vs. tuning voltage is shown in Figure 4.10.

C; was the tuning varactor, and C; and C, are switching capacitors for band-switching. The VCO

can be tuned from 3.0GHz to 5.0GHz for a tuning voltage of £0.7 V, and a tuning range of 50%

with frequency centred at 4.0GHz. The frequency tuning is discussed in further detail in Section
4.6.3. '

The phase noise was measured using the phase noise module of the HP8563 spectrum
analyser. At | MHz offset, the best phase noise of -125.2 dBc/Hz was measured at 3.0 GHz and
1.4V Vpp, as shown in Figure 4.11.

55 T T T

sk Vo=V, Vo= 1V T S S L

frequency of oscillation [GHZz]

- VGr1=0V, Vp=0V

I i i i !
0 0.2 0.4 06 0.8 1 12 14 16 18
Ves V]

Figure 4.10 Frequency vs. tuning voltage V3 of simultaneously matched VCO
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Figure 4.11 Phase noise vs. frequency offset from carrier of simultaneously matched VCO

10 dB/division _reference level at -50 dBc/Hz
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4-111dBc/Hz @ 1MHz offset 4
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100kHz ‘ 1Mz TOMHz

Figure 4.12 Phase noise comparison at centre frequency of 3.7 GHz and 1V Vpp,
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The simultaneous matched design was then compared with minimum-gate length designs for
improvement verification. A reference VCO was fabricated with minimum-gate length and a g,
matched NMOS latch, while all other components (resonator and PMOS latch) remained the
same. The frequency was set to 3.1 GHz, where the large varactor C; was operating in the Aigh-
gain region as is described in Section 4.6 [Fon02a]. The VCOs were measured at 1 V Vpp, and
their phase noise is shown in Figure 4.12. At 1 MHz offset, the phase noise was improved by a
total of 8 dB using the described technique. The output power of both VCOs is -9 dBm over the

tunable frequency range, indicating no voltage swing reduction using this technique.

-110 !

gm matched VCO - : : :
~112F - .(referen(;e) ............ NG R (TR S .

B 7§ ............... .............. ............... .............. .............. ]
BT S, e ,,,,,,,,,,,,, ............. . N

gl e NG e e b

phase noise @1MHz offset [dBc/Hz]

P Y AR . ............... ,,,,,,,,,,,,,,, I ténequsly,maiched_VCQ i

3 35 4 45 5 55 6
frequency [GHz]

Figure 4.13 Phase noise (at IMHz offset) vs. frequency for 1 V Vpp
The phase noise was then measured across of the band of interest. The result at 1 V Vpp and

frequency offset of 1 MHz is shown in Figure 4.13. Using the described technique, the phase
noise improves at the lower frequency but degrades as the frequency approaches the upper band.

This is because non-minimum gate length decreases the speed of the transistor (f7) and increases
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Cys significantly. The circuit draws more current, increasing drain noise and hence the phase noise

of the VCO. The phase noise is measured in the low varactor gain region (Section 4.5.2).

-112 T T T T T T T |
P I S OO SRS SOUSUR SRS SRS SN |
:"EN“_“G_.,,H ......... .......... .......... ........ -
3 ‘ : : ; : , Om matched only at
3 : _ , 1.V Vpp (reference)
> \ : . : : : :
%—118— ......... Qo . ........ o ........ .
NV : :
I
2 . . .
;-120_.‘..,..,,5 ,,,,,,,, .......... ......... ........ ........ Simultaﬂe@usly“‘; ......... u
S : : ' 3 : matched VCO
3 : 1
©
ﬁ_122_ S £ TP .
124 ......... R ™~ ......... ....... -~
128 a ; i ; i ; i ;
0.8 0.9 1 1.1 12 1.3 1.4 1.5 1.6 1.7

Figure 4.14 Phase noise vs. Vpp at 3.1 GHz (1 MHz offset frequency)

Next, both VCOs were swept at different values of Vpp to study the improvement versus the
supply. The result of phase noise vs. ¥y at a centre frequency of 3.1 GHz at a IMHz offset is

shown in Figure 4.14. This frequency was chosen because it gives the best phase noise for both
VCOs. As shown, the simultaneous matched VCO has a better phase noise as compared to the

reference VCO across all the supply V), demonstrating the advantage of the technique. The

phase noise was also measured across of the band of interest. The result at 1 V Vpp and a

frequency offset of 1 MHz is shown in Figure 4.13.

The summary of the measured VCO performance is listed in Table 4.1.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 90 of 190



Low-Voltage Frequency Tuning 75

Table 4.1: Performance summary of simultaneous matched VCO

frequency tuning (tuning voltage) 3.0-5.5GHz (x1V)

nominal Vpp 10V

nominal phase noise at 1 MHz offset -122.0 dBc¢/Hz (3.0 GHz, 1.0V Vpp)
best phase noise at 1 MHz offset -125.2dBc¢/Hz (3.0 GHz, 1.4 V Vpp)
worst phase noise at 1 MHz offset -110.0 dB¢/Hz (5.4 GHz, 1.0 V Vpp)
output power -9 dBm

power consumption 1 25mW

4.5 Low-Voltage Frequency Tuning

Frequency tuning is the most basic function of VCOs. In LC-type VCOs, frequency tuning is
achieved by a voltage-controlied capacitor, commonly known as a varactor. Mathematically, the
frequency £, is given by (4.1)

FoOtune) = (431)

1
2n,JLC(V,,,.)
where f;, is a function of control voltage v,,,,,., and hence the circuit is called a voltage-controlled

oscillator. As a rule of thumb, a minimum frequency tuning of 10% is required to cover the
spread in process tolerance. However, many CMOS publications [Wan01][Tie02] tend to ignore

the importance of tuning capability, making the VCO impractical for commercial realization.

Yet, there is always a purpose behind such negligence. Limited frequency tuning range has

always been a notorious problem for VCOs in CMOS technology. Varactors using reverse biased

diode junction capacitance from a p'/n-well results in limited tuning range around a few percent

and poor @ around 20 at 1 GHz [Hun00a]. On the other hand, other than not meeting the tuning
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specification, a VCO with limited frequency tuning range does make the reported phase noise

more “impressive” due to lack of tunability. This is explained in Section 4.5.2.

The lowering of the voltage supply due to technology scaling further complicates the tuning
problem. As the technology advances, the gate length reduces from 0.35 to 0.13 pm, and the

maximum supply ¥pp drops from 3.3 V to 1.5 V. The range of the varactor control voltage v,

decreases accordingly, resulting in a reduction in frequency tuning range if the varactor gain
remains the same. Therefore, for low-voltage CMOS VCOs to achieve respectable performance,

a high-Q high-gain varactor is required. The accumulation MOS varactor comes to the rescue.
4.5.1 Frequency Tuning using Accumulation MOS Varactor

The SOI accumulation MOS (AMOS) varactor as described in Chapter 3 has a high C,,,,/Cyin
ratio of 6 for a tuning voltage v,,,,, less than £1 V. Even for a 1 V supply with v, of £0.5V, a
Coas! Conin Of 3.8 with Q around 100 is achievable as shown in Figure 4.15. It is important to note
that it is unfavorable to have v, exceed Vpp. Many CMOS VCOs reported in the literature
[Sve00] have a range for v, greater than the standard power supply, which is impractical in

most of the applications.

The high C,,,,/C,,i, Tatio of the AMOS varactor implies high VCO gain that degrades phase
noise, as is described in the next section. The requirement for low-voltage operation is a further
complication. To maintain the desired tuning range, the varactor gain has to be made even larger
in order to compensate for the Vp reduction, making the varactor a major noise contributor
compared to the inductor. In the following section, the relationship between varactor gain and

phase noise is examined, and important insights are developed which lead to possible solutions.
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Figure 4.15 Measured C-V and Q-V characteristics of SOI AMOS varactor at 1 GHz

4,5.2 Varactor Gain and Phase Noise

The varactor gain is strongly related to phase noise. To understand their relationship
physically, consider a varactor with noise vnl on the control nodes. Since tuning is usually

performed at low frequencies, v,, is therefore considered to be low-frequency noise. The units for

noise are V/4/Hz . The noise v, will cause a capacitance perturbation AC as shown in Figure 4.16,

and hence modulates the frequency of oscillation by

VA (4.32)

S S
2n/L(C+AC)

1. v, can be noise from the transistor, such as flicker noise and shot noise for example.
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g high gain varactor

low gain varactor
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AC (IOW kv)

tuning voltage

Figure 4.16 Relationship between varactor gain and tuning voltage noise

C is a function of tuning voltage v, given by
C= CO + vatzme (433)

where C,, is the zero-bias capacitance, defined as nominal capacitance, and k- is the varactor gain.

The magnitude of the perturbation is directly proportional to the varactor gain
AC = ky-v, (4.34)

Therefore, lowering the varactor gain generally reduces the phase noise. The ideal case for best
phase noise achievable is using a fixed capacitor instead of varactor, for which ky is zero.
However, this is not feasible because tuning is required to cover the process spread. Equation
(4.34) describes one of the most important low-frequency noise upconversion mechanisms for

low-voltage VCOs, and it is discussed in further detail in Section 4.7.

The phase noise contribution due to the varactor can be added to Leeson’s formula easily
[Rog01b]. First, Leeson’s formula deals with noise perturbation in the phase/frequency domain,

and therefore the parameter VCO gain &y, (the sensitivity of frequency to tuning voltage) is
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more meaningful than varactor gain kp: These two parameters can be related by differentiating
(4.1) with respect to the tuning voltage of the varactor, which gives

L yadC

dv 4z dv (4.35)

where dfidv is kycp, and dC/dv! is ky: Then, the frequency deviation Af can be determined by:

Afn = kVC,O' Va (436)

and the phase deviation 8 is therefore:

_ Y

ed“Z}

(4.37)

with Af the frequency of offset from the carrier.  Then the single-sideband phase noise

introduced is:
L(Af) = 20log(8,/2) (4.38)

Adding the extra term in (4.38) results in the modified Leeson’s formula [Rog01b]:

LA kpep) = 1010g{(2_/é€_,/3f>2[%1(1 +j—;f-ﬂ + (/i%c[_&o;_n)z} 39)

As described in the previous section, a low-voltage VCO requires high kp) to maintain the

tuning range. Therefore, the phase noise degrades accordingly as described in (4.39). In the

following sections, two topologies are introduced to reduce such degradation by decreasing ky (or
kycp) while maintaining the desired tuning range. Although the topologies are not novel, in the

literature, they have been used only as a technique to boost tuning range, but have never been used

in the phase noise reduction context. This is because &y was never a problem before the AMOS

1. Just a reminder that C is a varactor and therefore it is a function of voltage.
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varactor was introduced in low-voltage circuits. Therefore, the novel applications are considered

as part of the contributions of this thesis.

4.6 Band-Switching VCO

The band-switching varactor topology has been around for a while [Lov01], and it has been
used extensively to increase the limited tunability of traditional CMOS diode varactors [Che02].

The general topology is shown in Figure 4.17.

NN

LoLo) s
[

Figure 4.17 Switched-C topology for band-switching

The varactor consists of an array of binary-weighted switched capacitors (C;, C,... Cy) for

band-switching, and a diode varactor D for continuous capacitance tuning. This topology

improves both the tuning range and Q of the overall varactor. The tuning range is increased from
Cp(Viune) to

C =3 C+Cplv
N

(4.40)

fune )
and O can be improved by making the low-Q diode D smaller, and using high-Q fixed capacitors
extensively for tuning.

Nonetheless, the low C,,,,/C,,;, of a diode varactor implies a large switched-C array is

necessary to cover the required tuning range. This not only implies large chip area for the fixed

capacitors, but also circuit complexity to control the switched-Cs. Furthermore, at high
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frequencies such as 40 GHz, the switches impose excessive parasitics that make this topology

unfeasible for frequency tuning.

The band-switching topology introduced in this thesis is different [Fon02a]. The novelty lies
in the use of AMOS varactors to replace the switches and the fixed-capacitors. As mentioned in
the previous section, the primary purpose of band-switching in AMOS is not to increase the
tuning range but to improve the phase noise. In the following section, the theory, design and

experimental results of VCO using band-switching AMOS varactor are given.
4.6.1 Band-Switching AMOS Varactor

While using a pair of AMOS varactors (Figure 4.18a) in the resonator may provide enough
frequency tuning for the VCO, the large tuning range implies excessive VCO gain that degrades
the phase noise. This can be shown by a modified Leeson’s model as given in (4.39). The band-
switching topology (Figure 4.18b) can be used to improve the noise performance by reducing the
VCO gain while maintaining the desired tunability. Similar to traditional switched-C varactors,
the AMOS band-switching topology consists of two sets of varactors: a bank of switching on/off-

only varactors (C;, C,... Cy), and one continuous varactor C, for fine tuning. The capacitance of

the resonator C is given by
C = ZC1'+ C, (4.41)
N

Ideally, the switching varactors have zero ky; and C, is the only varactor that v, can modulate to
generate AC; as in (4.34). The noise improvement k,, compared to a single varactor as shown in

Figure 4.18a is
k, = C/C (4.42)

Therefore, C, should be minimized, and the minimum is limited by the tuning range and the

continuity between frequency bands. Although the derivation is simple and obvious, it is seldom
mentioned in CMOS VCO publications because a low-voltage high-gain varactor was never an

issue in CMOS technology. Therefore it is considered as a contribution of this thesis.
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Figure 4.18 (a) Single varactor vs. (b) band-switching tuning scheme

Conventionally, the switching varactor consists of an active switch and a fixed capacitor as

described in the previous section. The switching varactor in this topology, however, is different

from [Che02], in that it does not require a switch. Consider the "AMOS C-V curve as shown in

Figure 4.19. Point A (fully on) and point C (fully off) have &y close to zero, and band switching is

achieved by operating the varactor at one of these two points. The drawback is that the C-V

characteristic is not symmetrical around a tuning voltage of 0 V, and that the varactor requires

+0.7V to switch the AMOS varactor either fully on or fully off. This non-symmetry is due to the

parasitic capacitance of the SOI buried oxide Cj,,, which can be reduced by using a high-
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resistivity substrate. However, for this given process, a ¥pp of 1.4 V is required to take advantage

of the band-switching topology.
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Figure 4.19 AMOS varactor region of operation

Finally, note that a pn diode gives inferior performance in- the band-switching topology.

Besides the poor Q of the device, the kj, of the diode does not flatten out at the upper tuning end.

This is because the C-V characteristic of the pn junction is monotonically increasing, as given by

C = S (4.43)
(1=v/9,)"

where Cjy is the zero-bias capacitance, ¢ the built-in voltage, and m is the exponent which

depends on the doping gradient. Therefore, this unique C-V characteristic makes the AMOS
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varactor applicable as a switching capacitor, without the penalty of greater chip area and high-

frequency isolation.
4.6.2 VCO Implementation

The C-V curve as shown in Figure 4.15 (or Figure 4.19) was used extensively to design the

AMOS varactor. Before going any further, several parameters are to be clarified:

1. vy is the voltage across the varactor as described in Chapter 3;

2. The capacitance is measured in percentage of C,,;

3. nominal capacitance C,,,,, is defined as the capacitance when v,,,, = 0 I

Therefore, the nominal capacitance of the AMOS varactor in this technology is 70% of C,,,.
Cax 18 approximately the same as C,,,, while C,,;, is about 16% of C,,, resulting in a C,,,,/C,,in
of 6. Note thatin an AMOS varactor, the off-capacitance is C,,;, instead of zero as in switched-C.
Therefore, the binary weighting scheme used in the switched-C topology is usually not the
optimal configuration to cover all the possible frequencies within the range. In this design, the
VCO consists of an array of three varactors for band-switching: two small varactors C; and C,
with nominal capacitance of 0.4 pF, and one large varactor C; with nominal capacitance of 1.2 pF.
All varactors can be used as either switching or tuning varactors due to the unique property of
AMOS varactors. The monolithic inductor is a horseshoe shaped single loop with a diameter of
460 pum as shown in the micrograph Figure 4.26. The measured inductance is 0.85 nH and Q is
above 20 at frequencies between 3.8 and 5.7 GHz as shown in Figure 3.12. The overall VCO

schematic is shown in Figure 4.20.

1. Mid-capacitance can be used as an alternative definition for nominal capacitance such that

Cnorm = (Cmax‘ Cmizf:)/2 with Viune = —0.1v.
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Figure 4.20 Band-switching VCO

4.6.3 Experimental Results

The implemented VCO as shown in Figure 4.20 was measured using wafer probing together
with a 26.5 GHz HP8563 spectrum analyzer with a phase noise module. The frequency of
oscillation vs. varactor tuning voltage is shown in Figure 4.21, where C; and C) are the switching
varactors, and Cj is the tuning varactor. For a varactor tuning voltage up to 1.4 V, at Vppof 1V,
the carrier frequency can be tuned between 3.065 GHz and 5.612 GHz, achieving 58.7% tuning
range with the centre frequency at 4.353 GHz. Note that 1 V may provide enough tuning
capability for many applications. However, to ensure minimal gain for the switching varactors, at
least 1.4 V is required to guarantee complete switching between points A and C (Figure 4.19).
The frequency-voltage characteristics were also measured for Vpp, between 0.8 V to 1.6 V. The
frequency variation was within 2% of the 1 V ¥V measurement, and therefore they are not

shown here.
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Figure 4.22 Phase noise vs. Vpp of band-switching VCO
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The phase noise was measured versus ¥pp using the phase noise module of the HP8563

spectrum analyzer. All varactor tuning voltages were set to either 0 V to give a lower frequency of
3.065 GHz, or to 1.4 V to give the upper frequency of 5.612 GHz. The measured results are shown
in Figure 4.22.

The phase noise first improves as ¥pp increases up to an optimum, then degrades for further

increases of the supply. At 3.065 GHz, the best phase noise of -124 dBc/Hz at 1 MHz offset is
achieved at the expense of power dissipation by operating the VCO at 1.4 V Vpp (power

dissipation increases to 8.4 mW compared to 3 mW at 1 V Vpp, for which the phase noise is

—120.8 dBc/Hz at 1 MHz offset). The phase noise plot is shown in Figure 4.23.

i@ dB- SPOT FRO = 1.88 MHz
j-EES dic Hz ~124 .88 dBC~ Hz
¥
1@ FREQUENCY OFFSET 18
kH=z FROM 3.849 GHz CARRIER MHz

Figure 4.23 Phase noise vs. frequency offset from carrier of band-switching VCO
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Figure 4.24 Phase noise comparison between tuning C; and C; of band-switching VCO

The phase noise improvement through reduction of k- is shown by comparing the continuous
tuning using the large varactor Cy versus the small varactor C;. First, C; was tuned to 0.5 V so
that it operated in region B (Figure 4.19). C; and C, were fixed to their minimum. The VCO

frequency was 3.3 GHz and the phase noise is -111.17 dBc/Hz at a 1 MHz offset.

Next, C; was tuned to set the frequency to 3.3 GHz with C, and C; fixed to the minimum. The

phase noise was measured to be -118 dBc/Hz, an improvement close 7 dB as shown in Figure

4.24. The phase noise improves as the varactor gain kj- decreases. Therefore, the worst phase
noise is recorded when all the varactors are operating in region B. For 1 V V), the worst phase
noise was measured when Vi, Ve and V-3 were set to 1 V (region B). The frequency of

oscillation is 4.88 GHz, and the phase noise is -109 dBc/Hz at a 1 MHz offset.
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A widely used figure of merit (FOM) for VCO performance is defined as

FOM = L{Af}-20log(f,/Af) + 10log(P,,) (4.44)

where L{Af} is the measured phase noise at the frequency offset Af from the carrier at £, and
P is the measured DC power dissipation in mW. The result is plotted in Figure 4.25. The best
FOM is achieved at 5.612 GHz at a low Vppy of 0.83 V, drawing 1.2 mA of current with power
dissipation just below 1 mW. The FOM is -188.3 dBc/Hz, with a phase noise of -113.2 dBc/Hz at
1 MHz offset.
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Figure 4.25 FOM vs. Vpp of band-switching VCO

Finally, 1 V ¥pp, has the phase noise and FOM near the optimal for both frequencies (3.065
GHz and 5.612 GHz), and is used for comparison with some recently published VCOs listed in
Table 4.2.
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Table 4.2: Comparison with recently published VCOs

Ref. Ie £ {IMHz} Vop Tuning Py Technology
[GHz] [dBc/Hz] [V] Range [mW]
[Sam01] 4.20 -114 25 18% 13.8 CMOS
5.05 f.=5GHz 25V)
[Sve00] 1.80 -125 2.0 26.5% 2.0 CMOS
245 f.=19GHz (4.0V)
[Kuc01] 1.75 -134 2.7 357% 12.2 SiGe
2.51 J.=2.05 GHz (2.7V) BiCMOS
[Vaa01] 33 -120 25 46.5% 36.5 BiCMOS
5.3 f.=4.4 GHz 2.7V)
This work 3.065 -120.8 10 58.7% 3.0 SOl
[Fon02a] 5.612 -114.6 (14V) 2.0 CMOS

4.6.4 SOI vs. Bulk in Band-switching VCO

Besides the higher speed performance of the SOI transistor as compared to its bulk
counterpart, SOI offers several advantages over bulk in band-switching topology. First, the

reduced parasitic allows SOI AMOS to have better C,,,,,/C,,;,. resulting in better tuning range.
Second, the nominal v,,,,., the voltage that gives a capacitance in the middle of C,,,, and C,,;,,, 1s
closer to zero as compared to bulk. Having the nominal v, reduces the required tuning voltage
to cover the full range. For example, in this particular technology, nominal v,,,,, is —0.1 'V, and
1.4 V is mandatory to switch the varactor. If v, is at zero, 1.2 V may be enough to switch the
AMOS varactor completely. As for bulk technology, [Sve00] gives a worse nominal vy,

between -3 to 1V, and C,,,,/C,,;,, is lower. Therefore, a tuning voltage much higher than Vpp is
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required to achieve the wideband tuning, and making bulk technology unfavorable for band-

switching topology

4.6.5 Summary

This section has dealt with the design and testing of a 3.0-5.6 GHz band-switching VCO. The
VCQO features a high-Q horseshoe inductor (Chapter 3) and an array of band-switching varactors,
occupying a total area of 650 pm by 460 pm excluding the pads as shown in the micrograph
Figure 4.26. The use of an AMOS band-switching varactor bank for phase noise improvement
was discussed. Furthermore, the superiority of SOI in terms of low parasitics compared to bulk is

demonstrated by the wide tuning range and the sub-1V, sub-mW operation.

Figure 4.26 Micrograph of band-switching/differentially-tuned VCO
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4.7 Differentially-Tuned VCO

Band-switching is a direct but cumbersome way to resolve the problem of excessive phase

noise introduced by high &z Extra control circuitry is required to control the switching varactor,
and the high C,,,/C,,;, property of the AMOS varactor is hindered. In this section, a simple

theory is introduced to explain how varactors up-convert low-frequency common-mode noise,
such as flicker noise, near the carrier. Then, a technique known as differential tuning [Fon02b] is
used to fully utilize the wide tuning capability of an AMOS varactor while the up-converted noise

due to high ky is suppressed. Finally, the theory is verified by measurement.
4.7.1 Low-Frequency Neise Upconversion

One mechanism for upconversion of low-frequency noise, such as flicker noise, is the non-
linearity of the circuit [Haj99]. However, the low-frequency noise can also modulate the varactor
directly and this is seen as jitter near the carrier. Consider a complementary LC-VCO as shown in

Figure 4.27.

The resonator consists of the inductor L and the capacitor C, which consists of C;*, C; , C;"
and C, . Consider v, and v, as the total noise from the transistors at each side as shown in
Figure 4.27. At low frequencies, the inductor L behaves like a short-circuit, so

Va T Va (4.45)

Therefore, all the noise power at low frequencies can be considered as common-mode noise,

defined as v, One mechanism for low-frequency noise upconversion is that v,,..,, is injected into

the varactor through the nodes v, and v, . This noise is subsequently upconverted to the carrier

frequency by the resonator as described in (4.32)

(4.46)

P
* " omdic
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where
C= CO + kl’("‘nme + vncm) (4'47)

where () is the zero bias capacitance, ky is the varactor gain, and v, is the voltage across the
varactor. Equation (4.47) clearly shows that C is modulated by v,,.,,, and the higher the &y the

higher the low-frequency noise injection. It is not surprising that many VCOs have the worst

phase noise in the middle of the tuning range where k- is the highest. Meanwhile, the best phase
noise usually occurs at the boundaries of the tuning range where kp is minimum. As the power
supply scales down, the varactor gain ky becomes large in order to maintain the same tuning

range. Therefore, this upconversion mechanism is critical for low-voltage VCOs.
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Figure 4.27 Schematic of differentially-tuned VCO
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4.7.2 Single-ended vs. Differentially Tuning

In this section, common-mode noise rejection in the differentially-tuned varactor is analyzed.
The effect of common-mode noise in single-ended tuned varactors is first analyzed starting from

the varactor topology given in Figure 4.28a.
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e
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Figure 4.28 (a) Single-ended and (b) differentially-tuned varactor

To demonstrate common-mode noise rejection, the equivalent capacitance C between v~ and

v0+ is calculated. From (4.47), it is given by

C=2C =2C,+2k(vo+v (4.48)

nem )

Hence, the common-mode noise modulates the varactor, which will result in jitter and phase

noise. If the varactor is differentially-tuned as shown in Figure 4.28b, then the capacitances are

given by vo', v~ and v, such that

Cl| = Cy+kp(ve+v (4.49)

ncm)

C, = Co—kylve +v (4.50)

ncm)
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Since C = C;+ C, , if the varactor is perfectly symmetrical such that k,, = —kj,, the

expression for C'is

C = 2C,+ 2kpve (4.51)

+ — . . .
where v = v —ve. If k)] and [ky,| are not the same, the gain of the common-mode noise is
reduced to |ky;-ky,|. Therefore, it has been shown that differential tuning can be used to reject

common-mode noise, such as flicker noise and shot noise.
4.7.3 VCO Implementation

The VCO implementation is basically the same as the band-switching VCO as described in
Section 4.6, except that differentially-tuned varactors were used instead of band-switching
varactors. As shown in Figure 4.28, the VCO is an LC cross-coupled differential circuit with both
PMOS and NMOS latches which generate negative resistance to cancel losses in the LC
resonator. The monolithic inductor is the 0.85 nH horseshoe-shaped single loop with O above 20
at frequencies between 3.8 and 5.7 GHz described in Figure 3.12. The AMOS varactors are
differentially tuned for common-mode noise rejection. Bias-T source followers, as are described

in Section 4.9, are used as the output buffers.
4.7.4 Experimental Result

The VCO was measured using wafer probing together with a 26.5 GHz HP8563 spectrum

analyzer with a phase noise module. The frequency vs. varactor tuning voltage at 1V Vpp is

shown in Figure 4.29. The differential tuning voltage v 4,,,. is related to v and v~ by

J—
“’2 = (VDD/Q) T Vitune (4-52)

For example, if v, .. = 0V, then vz =05V and v = 05V. If v, = 05V, then

12 = 0V and v, = 1V. For a tuning voltage between 0 and 1 V, the carrier frequency can be

tuned from 3.812 GHz to 5.716 GHz, achieving a 40% tuning range. This wide tuning range is
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made possible by the high C,,,/C,,, ratio of the AMOS varactor. Note that while band-

switching requires 0.7V, this only requires 0.5 V, making it a true 1 V oscillator.

5.5
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Figure 4.29 Frequency vs. tuning voltage at 1V Vp, of differentially-tuned VCO
Next, the common-mode rejection of the varactor was measured. At 1V Vpp, a common-

mode voltage was applied such that v; = v, and the result is summarized in Table 4.3.

Table 4.3: Common-mode performance measurement

ve = Ie phase noise @ 1 MHz
0.0V 4.492 GHz -117.00 dBc/Hz
05V 4.401 GHz -117.83 dBc/Hz
1 EY 4.404 GHz -118.33 dBc/Hz
1.0V 4.475 GHz -118.50 dBc/Hz
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The frequency variation is within 2%, while the phase noise variation is within =1 dB.
Therefore, it is concluded that the varactors are highly symmetrical, which should result in good

common-mode noise rejection.

A figure of merit is introduced to provide a numerical standard for the performance of
common-mode rejection. In analog circuit design, common-mode rejection ratio (CMRR)

[Joh97] is defined as
CMRR = A /4, (4.53)

where 4, is the differential gain, and 4. is the common mode gain. A is similar to ky; which can
be extracted from the frequency-voltage curve shown in Figure 4.29. Meanwhile, A4, is estimated

from the frequency deviation from the common-mode measurement, defined as

P maximum change in f, 4.54)
Ve © change in v, “

In this design, max( Af, ) is 4.492 ~4.401 =0.091 GHz, and Avpis 1 —0.5 = 0.5V, therefore the

common-mode varactor gain is 0.182 GHz/V. Hence, the common-mode rejection ratio is
CMRR = 20 - log(ky/ky,) (4.55)

which gives 20 dB. Thus, the upconversion noise is expected to be suppressed by 20 dB.
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With CMRR defined, the phase noise was measured at several different frequencies across the

wide tuning range. At 1 V Vpp, the best phase noise is -121.67 dBc/Hz at 1 MHz offset, measured
at the lower frequency bound (3.812 GHz at v,,,,, = —0.5V) where the VCO gain is minimal
and the inductor Q is near its peak. At the middle of the range (4.4 GHz at v,,,,, = 0), kpis high
and the phase noise is -117.83 dBc/Hz at 1 MHz offset. At the upper end of the tuning range
(5.716 GHz at v4,,, = 0.5V), the phase noise is -111.67 dBc¢/Hz at 1 MHz offset. The phase

noise was also measured for Vpp between 0.75 V and 1.4 V, and the results are summarized in

Figure 4.30.
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Figure 4.30 Phase noise vs. Vpp, differentially-tuned VCO
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Figure 4.31 Phase noise comparison at 4.4 GHz

To evaluate the phase noise improvement over a conventional single-ended tuning scheme, a
reference VCO with varactor topology as shown in Figure 4.28a was fabricated and measured. At
4.4 GHz, with both VCOs operating in the high 4y region (middle of the tuning range), the phase
noise was measured and compared as shown in Figure 4.31. At 1 MHz offset, the differential-
tuning topology improves the phase noise by about 9 dB. Due to common-mode rejection, the
upconverted low-frequency noise near the 100 kHz offset is filtered out, offering a cleaner
frequency spectrum. The differentially-tuned VCO can be operated at 0.75 V V), drawing only
0.8 mW at 5.5 GHz. Meanwhile, the reference VCO can only operate down to 0.83 V, drawing
about 1 mW at that frequency.
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The DC power dissipation is plotted in Figure 4.32, and FOM is plotted in Figure 4.33. The
lowest power dissipation is achieved at 0.75 V Vpp, where only 0.8 mW of power is drawn at 5.5
GHz. To the author’s knowledge, this VCO has the lowest power dissipation compared to any

published CMOS VCOs at this frequency. Meanwhile, the best FOM is -189 dBc/Hz at 1 V Vpp.
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Figure 4.32 DC power dissipation of differentially-tuned VCO
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Figure 4.33 FOM measurement of differentially-tuned VCO

4.7.5 Summary

In this section, a 1 V 3.8-5.7 GHz differentially-tuned complementary LC-VCO with 40%
tuning range was designed and measured. The VCO has demonstrated that differentially-tuned

varactors can provide wide tuning range and reject common-mode noise. At 1 MHz offset, the
nominal phase noise (4.4 GHz at v, = 0)is -117.83 dBc/Hz, and the FOM is 187 dBc/Hz.
The power consumption is between 2.3-2.7 mW, and the buffered output power is -9 dBm. If the
VCQO is operated at 0.75 V Vpp, the circuit only draws 0.8 mW of power, the lowest power

dissipation compared to any published CMOS VCO. The VCO occupies a total area of 650 um by
460 um excluding the pads, as shown in the micrograph Figure 4.26.
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4.8 Low-Voltage High-Speed Design

Modern submicron CMOS technology offers devices with comparable speed performance to
SiGe HBT technologies, and very high speed components such as a 50 GHz VCO have been
demonstrated in bulk technology [Wan01][Tie02]. However, the inductors employed in these
designs are gigantic compared to the varactors, and the parasitics associated with the devices are
large. Therefore, despite a reasonable phase noise, the frequency tuning is limited to less than
2%, making the VCO unsuitable for manufacturing. Nevertheless, these circuits demonstrate the

speed capability of submicron transistors.

In this section, the design and implementation of a 40 GHz VCO [Fon02c] is described to
demonstrate the high-speed low-voltage low-power application of SOI transistors. While the
high-speed of submicron SOI is able to deliver enough gain at high frequency, the reduced
parasitics for the actives and high C,,,,/C,,.,, ratio of AMOS varactors promises a wider range of
frequency tunability. Through careful design considerations as described in the following section,
the measured results show a frequency tuning range of 9 to 15% froma 1.5 to 2 V V' with good
phase noise performances. This is the first CMOS VCO that achieves adequate tuning range at
this frequency. Furthermore, a complementary topology was used in the design, demonstrating
the feasibility of PMOS operation at this frequency. With the PMOS latch available, the low-
voltage phase noise optimization technique as described in [Haj99] can be used to increase the

performance of the VCO.
4.8.1 VCO Design

The schematic of the LC cross-coupled differential VCO is shown in Figure 4.34. As
described in Chapter 2, this SOI technology offers an NMOS device with f7 and fj;, y of 148 GHz

and 162 GHz respectively, and a PMOS device with f7 and f3;4x of 68 GHz and 102 GHz

respectively. Therefore, both PMOS and NMOS latches were used to generate the negative
resistance. The resonator consists of (a) a single-loop inductor that is estimated to be 60 pH using

EM simulation [IE3D], and (b) AMOS varactors which have a nominal capacitance of 0.4 pF. The
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outputs are buffered using bias-T source-followers (M5, M6) for measurement purposes (see

Section 4.9).
Figure 4.34 Schematic of a 40 GHz complementary VCO

At frequencies as high as 40 GHz, only small L and C are required in the resonator. As C
becomes smaller, the parasitics from the transistors and the inductor dominate the total

capacitance and thus limit the frequency tuning. Mathematically, varactor tuning is governed by

Cp et Cps
Tuning = —~2& (4.56)

CV min + Cf"

fix

where Cy is the varactor capacitance, and Cp, is the fixed capacitance from the parasitics.
Therefore, a large varactor with a high C,,,/C,,;, ratio is required to overcome the fixed

capacitance.
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AMOS varactors as described in Section 4.5.1 were used because they have a good C,,,,/C,i,
ratio of 5 at 1 GHz as shown in Figure 4.15. For the varactor in this technology, a tuning voltage
Ve of £1V is required to cover the full tuning range. The varactor has the Q peak at the most
negative v, (inversion mode of operation), and decreases by about 45% as v,,,,, approaches the
middle of the tuning range (depletion mode of operation). O then rises by about 30% as v,,,,
approaches +1 V (accumulation mode of operation). As the frequency is increased to 40 GHz, O
scales down proportionally with increasing frequency but C,,,,/C,,;, remains the same. This is
verified by numerical simulation using MEDICI as described in Section 3.2. Therefore, a
relatively large AMOS varactor (0.4 pF) was used to provide wide enough tuning to overcome the
fixed capacitances from the transistors and the inductor, and hence the VCO can be tuned to cover

anticipated process variations.

source

Figure 4.35 Capacitances of SOT transistors

There are three significant fixed capacitances associated with the transistor: the gate

capacitance Cy, the overlap capacitance Cg,, and the parasitic drain capacitance Cy+Cyy as
shown in Figure 4.35. Cj, is eliminated because the source of the transistor is grounded owing to

the circuit topology, and ng (capacitance from gate to p-sub) is negligible. The SOI transistors
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(M1 to M4) were simulated in the saturation region, and the contribution of each parasitic is

summed and listed in Table 4.4.

Table 4.4: Total fixed capacitance of SOI transistors

Capacitance [fF] Percentage [%]
Cos 15.4 53
Cig 9.1 31
CptCys 4.5 16

For a given process lithography, SOI and bulk have approximately the same Cys and Cyg.
However, in SOI, both Cy and Cy are reduced, resulting in about 30% smaller parasitics

compared to its bulk counterpart. Such a reduction is significant because of the small varactor

capacitance at high frequency.

As for the inductor L, the parasitic capacitance is proportional to the area of the passive.
Therefore, the smaller the inductor, the lower the parasitic. Hence, the inductor is relatively small
compared to the varactor. Furthermore, the effect of skin-depth at 40 GHz is significant.
Therefore, only the top-level metal was used instead of metal stacking to form the inductor to
reduce substrate loss and improve Q. Since large varactors and a small inductor were used in the

design, the active area is only 100 ym by 100 pm (see micrograph in Figure 4.40).
4.8.2 Measurement

The VCO was measured using wafer probing with a 40 GHz Rhode & Schwarz spectrum
analyzer. The total loss from the wiring cables and the bias-T was measured to be 6 dB at 40 GHz.

The frequency of oscillation and output power versus varactor tuning voltage is shown in

Figure 4.36. The tuning voltage of the varactor v~ and the VCO v, is related by

Vine = Vpp/2+ve (4.57)
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The tuning range is 9% (from 37.1 to 40.6 GHz) with a Vpp of 1.5 V and 15.2% (from 34.6 to

40.3 GHz) with a Vpp, of 2 V. Because 1V is required for the full tuning of the varactor, v,

may exceed Vpp. The output power decreases as the frequency of oscillation approaches the

lower frequency limit, and the VCO shuts down for vy, less than 0.9 V. This is because (a) the

inductor has higher O at higher frequencies, and (b) the Q of the AMOS varactor drops

significantly as v,,,,, decreases from Vpp, to Vpypy/2 (or V- decreases from —1 to 0) as shown in the

AMOS Q-V curves (Figure 4.15).
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Figure 4.36 Frequency and output power vs. tuning voltage

=25

27

The VCO can only oscillate when the varactor is operating in the high-Q inversion region.

Therefore, the tuning range of the VCO is limited by the QO of the passives. One way to

compensate for the problem is to increase Vpp. For example, given that v, , has to be greater

than 0.9 V for the VCO to operate, increasing Vpp from 1.5 V to 2 V increases v by 0.25 V.
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Hence, the varactor can be tuned to provide larger capacitance, allowing the VCO to have a wider

tuning range toward lower frequencies.
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Figure 4.38 Output spectrum of the 40 GHz carrier at 1.5 V Vpp,
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Figure 4.37 gives the frequency versus tuning voltage curves of four VCOs across an 8-inch
wafer to provide some information about process variation. The frequency variation is less than
2% across the wafer. With a frequency tuning range of 9% or more, the feasibility of the VCO in

this SOI technology for commercial production is partially demonstrated.

Figure 4.38 is the output spectrum of the VCO at 40.062 GHz, 1.5 V Vpp. The output power

is -7.9 dBm after accounting for the 6 dB cable losses. The phase noise at 40 GHz for several
offsets from the carrier was measured as shown in Table 4.5. Due to apparatus limitations, the
phase noise at 1 MHz offset is pessimistic due to noise jitter around the carrier, while at 8 MHz

offset the phase noise is limited by the noise floor of the equipment.

Table 4.5: Phase noise at 40 GHz carrier (Vpp=1.5V)

Frequency Offset /5 Phase Noise L{f,
1 MHz -90.03 dBc/Hz
4 MHz -109.73 dBc/Hz
8 MHz -114.36 dBc/Hz

Figure 4.39 compares the performance of the VCO reported here with other recently
published VCOs. The FOM is calculated using the measurement at 1.5 V Vpp with the phase

noise at 4 MHz offset from the 40 GHz carrier. The VCO core draws 7.5 mA from the supply, and
the power dissipation is 11.25 mW. ‘
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Figure 4.39 Performance comparison with recently published VCOs

For VCOs implemented in bulk silicon technologies, the parasitics are usually high and the
tuning range is limited to about or less than 2% [Hun00b][Wan01][Tie02] at high frequency.
Hence, for manufacturability, it is very important to have a technology that offers a low parasitic

capacitance as in SOL.

For VCOs implemented in HBT technologies using SiGe [Vol00] and InP [Bae00], despite the
better phase noise and tuning range, the V', and power dissipation are high (5V, 50mW for
[Vol00] and 6V, 78mW for [Bae00]). Therefore, they cannot be operated at low voltage such as
1.5 V at this frequency due to device limitations, making them unfavourable for single-chip

integration with modern submicron CMOS technology.

Hence, SOI is considered to be a better technology option for implementing components for

low-voltage high-frequency applications, especially if single-chip integration is desired.
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4.8.3 Summary

In this section, we have designed and measured a complementary LC cross-coupled VCO
working up to 40 GHz in a 0.13 pm SOI CMOS technology. This is the first working LC type
VCO that used both PMOS and NMOS cross-coupled inverters reported at this frequency. The
power dissipation is only 11.25 mW in the core, and the measured phase noise is -109 dBc¢ at 4
MHz offset from the 40 GHz carrier. The tuning range, which is 9 to 15% depending on V', can
compensate for process variations, thus demonstrating the feasibility of low-cost commercial

applications at millimeter wavelengths.

The VCO occupies an area of only 100 pm by 100 pm as shown in Figure 4.40 (excluding
pads). This is the smallest active area compared to other LC type VCOs, and therefore it is a good

candidate for multi-PL.Ls integrated on a single chip.

Figure 4.40 Micrograph of 40 GHz VCO
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4.9 Bias-T Source Follower

In this section, a bias-T source follower as a buffer for measurement is described. This type of
buffer can only be implemented in SOI technology, and it provides significant advantage over

bulk CMOS in terms of accuracy for measuring low-voltage and high-speed circuits.

Consider a 1 V complementary VCO as shown in Figure 4.41a. The dc voltage at the output v,
is at Vpp/2, which is 0.5 V. Figure 4.41b is the schematic of a conventional source follower.
Transistor M6 is a current source, and the dc level of vy, is equal to v, for M6 to operate in the
saturation region. Then, when v, is 0.2 V, the v, of M51s 0.3 V. Even for low-Vy, technology,

0.3 V can barely turn on the device, and hence the current sourcing capability is poor. A large

transistor is therefore required to generate enough current at low vy, and the parasitics associated

with the transistor slow down the VCO.

—r— Vpp -1 Vop

-
eVl ul R

[: M5
Vo i | 1 Bias-T
Y g e
Ms'j 1_><_4 [%m 2
¢ V Vbias
() (b) ©

Figure 4.41 Schematics of (a) complementary VCO, (b) NMOS source follower and (c)

bias-T source follower
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For example, from simulation, for a 0.13 pm gate length and 0.3 V vy,

width is 35 pA/um. Assume the buffer is to deliver 1 dBm to a 50 Q output, then the required

the current per unit

current is approximately 4.5 mA. Therefore, the transistor width is 128 pm. For simplicity, only
the parasitic at the drain side (Cy and Cjy,) of M5 is considered, which is typically 10% of C,,,.
Therefore, the total parasitic associated with the 1-dBm buffer is 0.23 pF. Now, consider that the
buffer is used for a 40 GHz VCO as in Section 4.8. The varactor is only 0.4 pF, and adding the
buffer decreases the speed of the VCO by at least 50%.

Consider the bias-T buffer as shown in Figure 4.41¢c. The inductor of the bias-T provides high
impedance for the ac signal at high-frequency, and a dc short for transistor biasing. If v is
connected to ground, v of M5 is 0.5 'V, the current density is increased to 175 LA/jim, and the
parasitic is now 5 times lower. The current density can be further improved by using SOI
technology. Unlike bulk CMOS, each individual MOSFET is dc isolated from each other by the
buried oxide, v, can be extended to negative voltages. In a nutshell, the advantage of SOI bias-T
source followers are that for low voltage operation, (a) a smaller buffer can be used to reduce the
load of the circuit, and (b) the voltage attenuation due to the follower can be minimized by
providing enough current drive, so that the voltage gain is close to 1. The VCO measurement

with different v;, is shown in Figure 4.42 for comparison.
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Figure 4.42 VCO output spectrum with bias-T output buffer of v; at (a) 0 and (b) -0.7 V

4.10 Summary

In this chapter, the basic theory of complementary VCOs was reviewed. A phase noise
improvement technique “simultaneous g, and impedance matching” [Fon02d] was introduced
together with experimental results for theory verification. Next, low voltage frequency tuning
issues were discussed, and the application of high gain varactors in SOI was described. A
frequency tuning range up to 58% was demonstrated using a band-switching topology [Fon02a],
and the relationship between varactor gain and phase noise was studied. To reduce the phase
noise due to the high gain varactor, differential tuning was employed to reject common-mode
noise [Fon02b]. Theory of common-mode noise rejection was developed, and was verified by
measurement. Next, the design of a 40 GHz VCO with up to 15% frequency tuning was
described. Both PMOS and NMOS latches were used to demonstrate the high speed capability of
SOI [Fon02¢]. The frequency tuning problem as observed in [Wan01][Tie02] was discussed in
detail, and the low parasitics of SOI was utilized to expand the tuning range. Finally, the bias-T

source follower was mentioned for accurate high-speed VCO measurement.
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Chapter 5 Low Noise Amplifier

5.1 LNA in 5 Minutes

The low noise amplifier (LNA) represents the first stage of the receiver chain, and it has two
main purposes: (a) amplifies the signal without introducing excessive noise and (b) serves as an
interface with the external 50 Q world for maximum power transfer. It therefore allows the
receiver to detect weak signals, and provides gain to suppress the noise generated by the later
stages. This noise suppression is described by

Fix—1 F,-1

F =F +F A ——— .+ 1
ror ext " Y'LNA4 Gyng GinaGurx-- G,y o1

where F is the noise factor, G is the gain, Fprepresents the noise factor of the total system, F,,,
is the noise factor of the external off-chip components, the subscript LNA is the low noise
amplifier, the subscript MLX is the mixer, and n the stage number, where n = 1 for the LNA, and
n = 2 for the mixer in this example. From (5.1), it is obvious that the purpose of the LNA is to
minimize Fjy while maximizing Gypy, which translates directly to low noise figure and high

gain. A brief system overview is shown in Figure 5.1.

115
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v

Figure 5.1 LNA in a receiver chain

From the circuit point of view, the figures of merits as shown in Figure 5.2 are used to

measure the performance. Gain can be represented in two forms: S,; for small-signal voltage
gain, and G, for power gain with source and load impedances taken into account. G, is the

maximum achievable power gain, which represents the gain when the circuit is perfectly power

matched.

Dynamic range of the circuit is usually limited at the low end by noise and at the top end by
non-linearity. Noise is usually measured in terms of noise figure (NF), which is the ratio (in dB)
of total output noise to noise from the source. It can also be defined as SNR;;, .,/ SNR yipur- NFppin
is the minimum achievable noise figure under the condition that the source impedance is equal to
the optimum impedance. This is often expressed in terms of reflection coefficient, such that
NF;, is achieved when source reflection I' is equal to the optimum reflection T ;.
issue arises from the fact that the transfer function of the transistor is ultimately non-linear. If the

The linearity
signal is too large, distortion occurs and the performance of the circuit degrades. Usually, two

figures of merit are used to describe the linearity of the circuit, which are the 1-dB compression

point for gain compression, and the third-order intercept point (/P3) for intermodulation.
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Matching can be categorized into power matching and noise matching. Power matching

results in optimum power transfer between two impedances, while noise matching results in

minimal noise added to the system. The general characteristic curves for the figures of merit are

given in Section 5.4.
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Figure 5.2 Figures of merit of LNA: (a) gain, (b) noise figure, (c) linearity and (d) noise and
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5.2 LNA topology

There are two choices considered for the LNA topology: a cascode configuration, or a cascade
configuration (Figure 5.3). The cascoded LNA is considered as the traditional and the most
popular choice of topology because the cascode transistor reduces Miller capacitance and hence

provides better gain performance and output to input isolation (S;,). Furthermore, the current is

reused and hence there is no extra cost in power consumption. The drawback is that an extra v,

(Vgs—Vyy, ) 1s required to bias the cascode transistor in the saturation region, and hence linearity
is degraded. This may be undesirable for low voltage-design, and the alternative solution is the
cascade topology. However, in a cascade design, more power is usually required because current
reuse is no longer applicable, and larger chip area is required if passive loads are used!. Since this

thesis is targeted for both low-voltage and low-power, the cascode topology is chosen for

implementation.

Z, load Z Z

RFOUt

RFin D—-| l:

Zy

Zp: degeneration

v

(a) (b)

Figure 5.3 (a) Cascode configuration and (b) cascade configuration

1. The chip area is nearly doubled if integrated inductors are used for the loads Z; . The degeneration Z pisat
least two times smaller than Z; because of gain and noise performances.
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5.3 Simultaneous Power and Noise Matching in LNA

Traditionally, simultaneous power and noise matching is not possible in both bipolar and
MOSFET silicon technologies. In the bipolar transistors, the lack of scalable compact models
hinders the development of such a technique, while for MOSFETs, the transistors are simply too
slow, so that most of the design efforts go towards maximizing gain and power matching at RF
while drawing enough power to minimize the noise [Kar96]. Recently, scalable bipolar models
such as SGPM and HICUM [Sch96] using emitter scaling, have become available, for example, a
scalable high-frequency noise model was proposed in [Voi97]. This model is can be directly
employed in both bipolar and MOSFET transistors. What this means is that simultaneous power

and noise matching can be achieved in a MOSFET if it has sufficient speed. Note that this

simultaneous matching does not necessarily lead to the lowest achievable global noise figure!, but

often it is the best compromise between gain and noise. Details are given in Section 5.4.
5.3.1 Speed and Size in MOSFET

One of the common figures of merit to measure the speed of a transistor is the cutoff

frequency f7, the frequency where the small-signal current gain is 1 (or 0 dB). To demonstrate

how shrinking the gate length / improves the performance of the transistor, consider the following

simplified equation for f

Jr= . (5.2)

where g,, is the small signal transconductance which can be expressed as:

W
En = 2-I—kpC v (5.3)

ox " on

while in saturation C;;, is approximately:

1. NF,,;, is defined for a given dc bias. Therefore, the dc required to achieve simultaneous matching does
not necessary give the best NF,;...
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c. =2

n = $WIC,, (54)

Combining (5.3) and (5.4) gives the relationship between fr and gate length:

Jrel’ (5.5)

Therefore, a reduction of gate length by 2 times results in a 4 times improvement in speed
intrinsically. In reality, this is obviously not the case as the extrinsic capacitances does not scale

directly with gate length, and also the square law expression for g, is not very accurate.
However, this simple calculation shows the importance of gate length reduction to speed
improvement of transistors.

5.3.2 Design Relaxation in Deep Submicron MOSFET

Consider designing a 1.9 GHz LNA in a commercially available 0.5 pm CMOS technology,

with the effective gate length! of 0.35 um and f of 35 GHz. For simplicity, assume the small

signal current gain® is 10, and a tuned cascode topology with inductive degeneration as shown in
Figure 5.3a is used. Then the maximum current gain, assuming 20 dB/decade at roll-off, is about
18. However, adding inductive degeneration (especially with a lossy on-chip inductor) for power
matching and linearity, degrades gain significantly. The poor O on-chip inductor at the tuned-load
also reduces gain. Therefore, designing an LNA 1in this technology for minimum power

dissipation simply involves squeezing as much gain as possible at the desired frequency:
1. use minimum gate length for /;

2. bias the transistor at the current density that gives minimum NF,,;, (see Figure 5.4 in the next

section for reference);
3. set transistor width w so it allows enough current for the peak f; to meet the gain specification;

4. extra current may be necessary to achieve the required linearity.

1. The drawn gate length is 0.5 um, while the effective gate length (actual) is 0.35 um.
2. In this example, current gain instead of power gain is used because the figure of merit is /5 not f,, .-
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It is obvious from the above design procedures that the major design variables, namely the
width w and the length J, are set to reach the gain at the desired frequency. However, this is no

longer the case for subquarter-micron devices because the f is much higher, and it is not

necessary to bias the transistor at its peak f; This relaxation allows simultaneous noise and power

matching.

5.4 Minimum Noise Figure and Noise Matching

The noise factor F of the transistor is given by [Gon97]

F=F, +2y _y ) 5.6

= min 'G—( s opt) (5.6)
5

where F,;, is the minimum noise figure, R,, is the equivalent noise resistance, G, is the source

conductance, Y is the source admittance and Y, is the optimum noise admittance. Using (5.6),

the definition for perfectly matched noise is achieved if F'is equal to F,,;,, which will occur when

Yy is equal to ¥, However, the condition ¥ = Y, , does not mean Fy,;, is the minimum

achievable F,;, globally. Consider the NF vs. current plot with different transistor sizes as shown

in Figure 5.4.
y
(Wt

2 F— (),
g x

2

2 (wi)3
E

current [A]

Figure 5.4 NF vs. current of different sizes of MOSFET
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There is an optimum transistor size to achieve the lowest possible F,;,. However, under this
condition, simultaneous matching (ie., ¥, -7, , and §;; minimization) is not likely to be
possible because there are not enough design variables (size and current). One other option is to
add feedback from the output back to the input (¥;,) [Lon00a], but this complicates power
matching, and cascode design can no longer provide isolation between the input and the output.
Therefore, to achieve simultaneous matching, global minimum £, is discarded for more design

variables. In other words, instead of choosing (w/l); which gives the minimum F’

min s in Figure

5.4, (w/l), or (w/l)3 may be necessary for matching purposes.

Therefore, it is not guaranteed that simultaneous noise and power matching results in the best

design in terms of NF because F,,;, is no longer minimal. However, in RF, the change in F,,;,, is
usually small (within 0.5 dB for submicron design) while “Y-¥,,” is often the dominant factor.

Therefore, this matching technique is beneficial for CMOS LNA circuits.
5.4.1 An Example 2 GHz CMOS LNA Design

The technology used in this design is a commercially available 0.24 um CMOS technology,
and the desired carrier frequency is 2 GHz. First, the optimum current density is determined by
sweeping F,;, vs. Vg using minimum gate length, and then the dc bias and degeneration

inductance are set such that
Sy = T, (5.7)

Once this condition is met, an input inductor can easily be added to match both §;; and T, to

50 Q. The simulated results are shown in Table 5.1 and Figure 5.5.

As good as it may seem, a new solution is usually accompanied by a new problem. Due to the
small geometry of the device, on-chip matching becomes extremely difficult, and this is discussed

in the next section.
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Figure 5.5 Simulation of a 2 GHz bulk 0.24 um CMOS LNA with gate inductor off-chip

Table 5.1: Simulated result of a 2 GHz CMOS LNA with 20 nH off-chip inductor

Voltage Supply 15V 25V

Gain 15dB 15 dB

NF? 0.68 dB 0.56dB
Input 1dB Compression | -21.7 dBm -21.7 dBm
11P3 -9.2 dBm -7.8 dBm
Power Dissipation 4.4 mW 9.5 mW

a. Free lunch: something too good to be true is usually false.
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5.5 Power Matching in Deep Submicron Devices

The improvement in speed of subquarter micron devices allows design relaxation, and hence
simultaneous power and noise matching becomes achievable. One of the reasons for the speed

improvement in deep submicron technology is due to gate area reduction, such that Cj, is
decreased and hence the speed improves as described in (5.2). At the same time, however, if
single chip integration is desired!, small C;, imposes major matching problems, especially at the

low GHz range. For example, consider the RF input stage of the LNA as shown in Figure 5.6.

SO\

Figure 5.6 LNA input transistor

The input impedance Z;, is given by:

1
joC,;

i

Zin. = RO +j0)(LG +LS) +

(5.8)

where R, is the real part of Z;;, (R is 50 € for perfectly matched input). The imaginary terms can

be resonated out by setting

1
o(L,+L) = — 59
¢ § ](DCin ( )

1. Single-chip integration is the main driving force for RF CMOS, or otherwise one should stick with GaAs
FETs or HBTs for multi-chip solution.
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For this particular technology, the transistor requires 0.24 pm by 150 pm to draw 4 mA of current
for circuit operation. However, the C;, in this dimension is less than 400 fF. For simplicity,
assume the C;, is 400 fF, and to match the input stage to 2 GHz, the required total inductance
(Lg+Lg)is 15.8 nH! A large Lg degrades the gain of the amplifier significantly, while making
L huge (on-chip) impacts the noise figure directly. It is interesting to note that the component
values are more reasonable at higher frequencies. For example, at 6 GHz, the required inductance

(Lg+Lg) is only 1.76 nH. Note that adding an extra capacitor to Cy, is feasible, but this

decreases the gain of the transistor dramatically!. The detail is given in Section 5.5.1.

The poor Q of on-chip inductors is a stumbling block for deep submicron CMOS LNA, at
least for frequencies in the low GHz range. For example, for a good commercial process, the

highest achievable O on-chip of a 10 nH inductor is about 10 in a silicon bulk process2. Using the

simple formula

r=9L 5.10
0 (5.10)

the parasitic series resistance (just dc: ac will be even higher) is about 12 . The noise figure,

simply from the resistance of the inductor, will be

L N +N,
NF = 1010g(-%——ﬂ) - lOlog(-S—%—]—z) - 1.94B

sSre

The most direct solution is to reduce the parasitic resistance, or in other words, to boost the Q of

the inductor. The two obvious methods are (2) to boost the 0 by poly-shielding [Yue97] or (b) to

reduce the inductance. Let’s consider (a) first>.

1. Doubling C;, would result in 6 dB loss in gain voltage, according to equation (5.2).
2. For inductance of 3 nH the Q is about 20 in this process.
3. The odd thing is that whatever is considered first usually does not work.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 141 of 190



Power Matching in Deep Submicron Devices 126

5.5.1 Pelysilicon Shielding in Gate Inductor

Two vital features for a good inductor process are highly conductive metal and good device
isolation. Adding a poly shield effectively brings the ground plane closer to the inductor and
hence reduces isolation. This not only reduces the self-resonant frequency of the inductor, but, as
will be shown next, the added capacitance severely degrades the speed of the associated transistor
performance, especially if the device has a deep submicron feature size. Consider the inductor

and its equivalent circuit model as shown in Figure 5.7,

RFjpn Ls Zin,

C Y'Y >
/""'—'_—&\ add to Cygs
e LYY

1 /l\

i

Figure 5.7 A simple inductor model

For this particular technology, the dimension for a 7 nH inductor at 2 GHz is about 400 um by

400 um with a hollowness' of 0.5. The oxide thickness from the inductor to the ground substrate

is 8.2 um, and the effective additional capacitance to C;, is 1/3 of the total capacitance, then

_1.39x8854x10°"°
ox 3 82x107°

- (400x10°° - 400x10°%) = 0.1pF

Recall that C;, is less than 0.4 pF, so adding a ground shield to the gate inductor results in an

additional 0.1 pF of parasitic capacitance, which reduces the speed of the transistor at least by

25%, or 2.5 dB loss in voltage gain.

1. Hollowness is the metal-to-void ratio {a measure of metal density) for a given area, that is defined by the
periphery of the outermost spiral [IBM00].
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5.5.2 Input Inductance Reduction

If the inductance can be reduced, the improvement can be significant because (a) shorter wire
means less parasitic resistance, and (b) smaller area means less loss and hence higher Q. If the
inductance is reduced from 10 nH to 4 nH, then Q can be improved from 10 to 20, and hence the
parasitic resistance will be reduced from 12 Q to 2.4 Q using equation (5.10). From equation
(5.9), inductance reduction can be achieved by increasing C;,, or by changing the system
specification (e.g., by increasing the LNA frequency). Since the second option is not usually

available, let’s focus on the first option.

Increasing C;,, can be achieved by simply using a bigger transistor at the expense of power.
There are three parameters controlling the dimensions of the transistor: the length /, the width w,
and the number of fingers m. Increasing / reduces device speed, while increasing w increases gate
resistance. Increasing m seems to be a better choice. Assuming a linear relationship as in (5.9)
and Lg is small!, doubling C;, by doubling m reduces L, (Figure 5.6) by about a half, but

increases current by 2 times at the same time. Unfortunately, power is usually the prime
consideration in mobile circuit design, and therefore this approach seems to be unfavorable unless
there is a way to reduce the current. One way is to take advantage of the fact that it is not required

to bias the device at its peak fr.

Lowering V¢ drastically reduces /p but not f5 so it is possible to increase Cj, without an

excessive increase in /pp and with a minimum disturbance to f7 (which translate directly to gain

and noise performance). This is because /7 is proportional to vo,,2 while g, is only proportional
to v,,. From simulation, a 20 nH input inductance is reduced to 7 nH with a 30% increase in Ipp
at 2 GHz. This indicates that a CMOS LNA with all inductors on-chip is feasible with the
availability of a deep submicron process. Note that input dynamic range and linearity can be

degraded significantly due to small v,,. The simulation results are shown in Figure 5.8.

1. When speed (and hence gain) is an issue, Lgis usually much smatler than L because of gain degenera-
tion. If there is enough gain; it is better to increase /rather than increase ni.
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Figure 5.8 Simulation of a 2 GHz bulk 0.24 ptm CMOS LNA with L; on-chip

Table 5.2: Simulated result of a 2 GHz CMOS LNA with 7 nH on-chip inductor

Voltage Supply 15V 25V
Gain 12.1dB 12.1dB
NF 1.81dB 1.76 dB
1dB Compression -8.0dB -6.6 dB
11pP3 N/A® -2.0 dBm
Power Dissipation 7.1 mW 12.0 mW

a. The MOSFET is operated at the verge of inversion and the simulator hits some
discontinuous region of the model.
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5.6 CMOS LNA in SOI

Using the simultaneous matching design methodology outlined previously, a 1 V, 5.8 GHz

LNA is designed for possible wireless LAN application. The topology is similar to the LNA in

Section 5.3, except that (a) a PMOS load is used instead of an LC resonator', and (b) the bias-T
source follower (see Section 4.9) is used to replaced the output matching network. The schematic

is shown in Figure 5.9.

PMOS Load

Bias-T Source Follower Buffer

Cascode Amplifier
with degeneration

Figure 5.9 Cascode LNA with PMOS load in SOI

The PMOS load can be operated in two modes: (a) saturation mode and (b) triode mode. In
the saturation mode, the PMOS device serves as a current source, and the gain is high. To avoid
the transistor leaving the saturation region, the current of the PMOS load must be made the same
as the NMOS transistors by adjusting both V5 and Vpss. and complex biasing circuits are

required. Furthermore, the dc gain is very high that extra circuitry may be needed to stabilize the

ampliﬁerz. In the triode mode, the PMOS behaves like a voltage-controlled resistor, and the noise

1. M an LC resonator is used, the 2x Vpp swing may destroy the cascode transistor and the output buffer.
2. The input matching, however, may provide enough filtering to stabilize the circuit.
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performance is better [Joh97] but the gain is lower compared to the saturation operation. The

supply Vpp remains undisturbed, and only Vpzg is required to be adjusted to control the gain.
Thus, Vpps0s can serve as a tuning node for automatic gain control (AGC) in a later application of

this amplifier in a receiver.

The main reason for choosing this topology instead of a tuned load is because of the lack of

accurate analog models for both transistors and inductors during the design stage!. Therefore,
using both a PMOS load and output buffer allows the output to be matched over a wide band of
frequencies, which means less difficulty in matching the output. A PMOS load is inherently a
wideband element if the reactive parasitic components are small, while the buffer matching is
achieved by adjusting Vp;,, of the source follower so that 1/g,, of the transistor is equal to 50 Q.

Note that this type of buffer may only work in SOI but not bulk CMOS because negative bias may

be used at the source. The simulation results of this LNA are shown in Figure 5.10°,
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Figure 5.10 Simulation of a 5.8 GHz LLNA in SOI

1. The circuit was designed before the technology was qualified.
2. The simulations shown are for proof of concepts. Only graphical data is available for this documentation.
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5.7 LNA with Image Reject Filter

The image reject (IR) filter 1s used to suppress the unwanted image frequency located two IF’s
away from the desired carrier frequency. For example, in this design the RF is 5.4 GHz and the IF
is at S00MHz. Therefore, the image reject filter should have a notch at either 4.4 GHz (for LO =
4.9 GHz) or 6.4 GHz (for LO = 5.9 GHz) depending which sideband is to be mixed at the mixer.

Traditionally, off-chip components such as SAW filters are used for image rejection, but these
devices usually cannot be integrated monolithically, which defeats the purpose of single-chip
integration. An integrated IR filter using an on-chip inductor was proposed [Mac98][Sam00],

using an active negative g, circuit to boost the Q of the inductor to achieve useful rejection.

For this work, the negative g, circuit is not used, but the filter relies only on the high Q

inductor to provide the image rejection. By pushing the passive technology to the limit, the filter
consumes no dc power, and may be suitable for low power application if the rejection is

tespectable.

A few options can be used to modify the LNA circuit to achieve the required transfer function
(i.e., a notch at a particular frequency). Since the LNA is a linear circuit, modifying the output

impedance Z, directly changes the transfer function because

H(f) = g,2Z, (5.11)

Consider the circuit as shown in Figure 5.11a [Mac98], and the equivalent model as shown in

Figure 5.11b. By simple circuit analysis, the output impedance Z,, is:

Zo = roc[l + gm(cin ” Fod " ZIR)] (512)
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Figure 5.11 (a) Cascode amplifier with IR filter and (b) equivalent output impedance

To obtain a notch at a particular frequency, from equation (5.12) a zero is required at the
resonant frequency, therefore a series LC resonator is required. To obtain a deeper notch, the
order of the resonator is increased by adding a capacitor in parallel with the inductor of the
resonator. The schematic of the image reject filter is shown in Figure 5.12b. All capacitors are
implemented as varactors for frequency and Q tuning of the filter. Since the inductor has a very
good O, and the image reject specification is very relaxed (about 9dB image attenuation), no
actives are used for O boosting. Therefore, this image reject filter does not draw any DC current.

The transfer function of the image reject filter is:

2
Lip(Crpi+ Crpp)s™ + 1

Zyals) = (5.13)

3
Crr1Crralyrs™ + Crpys

An all-passive image reject filter on-chip is added to the LNA for image rejection. The schematic

is shown in Figure 5.12, and the simulation result in Figure 5.13.
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Figure 5.12 (a) LNA with image reject filter and (b) image reject filter
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Figure 5.13 Simulation of a 5.4 GHz LNA with image rejection
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5.8 Layout, Test and Measurement

The layout of the LNAs are shown in Figure 5.14. Since all the circuits are single-ended, the

chip is designed for on-wafer measurement. Tune-stubs will be used for external matching.

Figure 5.14 Layout of the SOI LNA

5.9 Summary

In this chapter, the feasibility of simultaneous noise and power matching in submicron CMOS
is examined, and this technique is applied in designing two 2 GHz CMOS LNAs in bulk CMOS
as examples. The technique is also applied to the SOI design. The LNA has gain controllable by
using a PMOS load, and a new SOI-only output buffer topology is used to measure the output
signal. An all-passive zero-dc-power image-rejection circuit was added to one of the LNA

designs, utilizing the high Q inductors designed in Chapter 3.
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Chapter 6 Analog-to-Digital Converter

 Inthis chapter, data conversion circuits are chosen to demonstrate high-speed and low-voltage
capabilities of SOI for mixed-signal applications. The first circuit is an oversampling AX ADC to
demonstrate low-voltage low-power switched-C circuit performance in SOI technology. First, the
classic theory of oversampling AX conversion technique is reviewed, and the circuit design using
a double-sampling technique is given. Next, the experimental results are presented, along with a

discussion on low-voltage low-power switched-C circuits.

Next, a pipelined ADC design is examined with simulation to demonstrate high-speed analog
capabilities. The pipelined ADC design serves as a stepping stone for future high-speed bandpass
AZ ADC circuit implementations, which are touched upon at the introduction of the circuit. Then,
the design challenges of low-voltage high-speed circuits are examined, and the solution using
complementary topology with digital correction is suggested. The proposed methodology is

verified by simulation.

6.1 Oversampling Delta-Sigma Modulation Theory

Oversampling AX modulation is one of the most popular methodologies to achieve high
resolution data conversion with low cost technologies. This method was originally developed for
analog-to-digital signal conversion, but it is widely used in other areas including RF applications

such as radio bandpass filters [Sin95], frequency synthesis [Ril93] and frequency discrimination

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 151 of 190



Oversampling Delta-Sigma Modulation Theory 136

[Bea%94]. Conventional ADC requires high precision analog components, while an ADC with AZ
modulation uses simple and crude analog circuits with less precision, but has to operate at a
frequency much higher than the Nyquist rate. For example, a conventional 8-bit ADC can be
replaced by a AZ loop using only a 1-bit quantizer and a relatively low-order filter. However, the
data has to be oversampled, which means the system has to run at a greater speed and hence
higher power consumption. Hence, submicron SOI technology is considered to be a good
candidate with which to implement this type of converter for its low power and high speed

capabilities.
6.1.1 Oversampling and Noise Shaping

The philosophy behind A% modulation is a combination of (a) oversampling and (b) noise
shaping. Oversampling is well-understood from the classic digital modulation theory, in that each
doubling of frequency decreases the in-band noise by 3 dB, thus increasing the resolution by 0.5
bit [Nor97]. Therefore, to achieve an 8-bit resolution from a 1-bit ADC, the sampling rate has to
be at least 27 or 128 times greater than the Nyquist rate (OSR > 128). Meanwhile, noise shaping

refers to shifting the quantization noise away from the band of interest (Figure 6.1), and this can

be achieved by using a feedback loop.

3

j——— band of interest
I
|

shaped quantization
noise

\ unshaped quantization

noise (AWGN)

power spectrum

. .

frequency

Figure 6.1 Noise shaping
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Figure 6.2 AX feedback loop for noise shaping

Consider the feedback system as shown in Figure 6.2. x(7) is the continuous input signal to the

system, while y(z) is the sampled digital data at sampling frequency f; after the quantizer. If the

integrator has infinite gain, then on average, y(z) is the digital representation of x(#) such that

x(1) = ¥(2) (6.1)

because the negative feedback loop forces the input of the integrator to be zero. To analyse noise

shaping, the loop is linearized as shown in Figure 6.3.

| |
transfer function of | E(z) ! quantizer model with e(z)
filter/integrator | | the quantization error
[ {
| I
| I
X(z H(z) - 12l
d Myl

Figure 6.3 Linearized transfer function of the AX loop
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From simple control theory, the transfer function of the loop is

_HX+E
1+H

(6.2)

Since it is only the noise but not the signal that is to be shaped, the analysis can be simplified by
splitting (6.2) into two parts: the noise transfer function (NTF), and the signal transfer function
(STF) as follows:

Y(z) _ 1

NTE = 23 = T7HG)

(6.3)

Y(z) _ _H(z)

STF = 30 = T+ 80

(6.4)

The filter H often has high gain around the signal frequency, and the gain rolls off as the
frequency approaches the out-of-band region. Therefore, in terms of magnitude, the in-band NTF
is I/H while the in-band STF is 1. This suggests that the filter H only alters the noise spectrum
but not the signal, and hence noise can be shaped by applying proper filters. The noise shaping
technique improves the in-band noise by 6 x NdB per octave, where N is the order of the filter.
Therefore, for every doubling of the sampling rate, AX modulation improves the resolution by
6xN+3dB. If a 1-bit quantizer is used in the AX loop with a second-order filter H, the
resolution is improved by 15dB or 2.5 bits per octave. Therefore, instead of OSR > 128, an OSR

of 8 is sufficient to achieve an 8-bit Nyquist ADC performance.
6.1.2 Low-Pass AX Modulater Transfer Function

This type of modulator converts a baseband analog waveform into a digital signal, which has
the same functionality as the classical Nyquist ADC. The reason it is called “low-pass” is because
a low-pass filter (namely an integrator) is used for H(z). Consider a first-order integrator used in

the AX loop. The transfer functions are

H(z) = z—iT (6.5)
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NTF = 2= ; (6.6)
1
STF = - (6.7)

From (6.6), the noise is shaped from a flat AWGN to a 20dB per decade high-pass function
(similar to Figure 6.1) with a zero at dc. NTF is high-pass because H is a low-pass function, and
the magnitude of NTF is approximately 1/H. As for the STF, it remains constant except for a

sample delay.

Even though the first-order loop described above has the simplest implementation, the
resolution gained from noise shaping is marginal, and the first-order system has some unique but
adverse problems such as severe idle tones from limit cycles. Therefore, a second-order AZ loop

is constructed by cascading two integrators from (6.5) together to form the filter:

H(z) = (= )2 (6.8)

z—1

This gives a high-pass NTF for which noise shaping is improved from 20 dB to 40 dB per decade.
A second-order low-pass AX modulator is inherently stable [Nor97], and therefore stability

analysis is not included.
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6.2 Low Power Delta-Sigma ADC

A low-power second-order double-sampled AX ADC with 50MHz sampling rate in a 0.25um
FDSOI CMOS technology [MIT] was first designed and implemented by Swaminathan, and later
tested and analyzed by the author [Swa99]. FDSOI has a better subthreshold swing and reduced
short-channel effect than traditional bulk CMOS as described in Chapter 2, and therefore the

threshold voltage and hence the supply voltage can be lowered for low power applications.

6.2.1 Design and Simulation

In this section, a circuit is discussed which was originally designed, simulated and
implemented by Swaminathan [Swa99]. The contributions of the author are described in the next
section. The double-sampling technique [Yan96] was used in the circuit to enhance speed
performance. This technique involves using the opamp in a switched-C integrator on both phases
of the clock, effectively doubling the sampling rate. Consider a classical integrate-and-dump
integrator as shown in Figure 6.4. The opamp is accumulating the charges during phase 1, but
remains idle for the duration of phase 2 and hence is wasting power. The double-sampling
technique allows the opamp to work during both phases by adding another set of switches (Figure
6.5) so that SI is integrating while S2 is dumping in phase 1, and S/ is dumping and S2 is
charging during phase 2.
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Figure 6.4 Integrate-and-dump integrator: (a) integration phase and (b) dump phase
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Figure 6.5 Double-sampling configuration
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As the OSR doubles, the resolution is increased by 6 X N + 3 dB or 15 dB improvement. The
disadvantage of using a double-sampled circuit is the mismatch between paths. This causes any
signals at f,/2, namely the high-power out-of-band quantization noise, to be mixed down near dc.
Since the output is fed back to the input, high-power quantization noise is mixed into baseband,
degrading the SNR. Therefore, a bilinear integrator was employed in the first stage to average out
the error caused by capacitor mismatch, because the first stage dominates the noise-shaping

performance of a AZ modulator [Yan96]. The circuit diagram is shown in Figure 6.6.

-

Sl |

Figure 6.6 Second-order AX modulator with the bilinear first stage
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The circuit was a single-ended design using single-ended cascode inverter amplifiers as
shown in Figure 6.7. These amplifiers had a fairly good simulated gain of 43 dB and 164 MHz
UGBW.
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Figure 6.7 Single-ended cascode inverter amplifier

The obvious problem with this design is that the analog ground voltage is ill-defined. Any
mismatch between analog ground and the midpoint voltage threshold results in a dc offset at the
output of each amplifier. This leads to a reduction in dynamic range. The comparator was a

simple preamp/sense amplifier [Joh97]], which has very low power dissipation.

Since this process [MIT] does not have analog poly-poly or MIM capacitors, low-Q capacitors
were formed using the n-well as the bottom plate, gate oxide as the insulator and n-type
polysilicon as the top plate. The minimum capacitor used was 0.4 pF, which has a k7/C noise of

100 mV,,s over the entire sampling bandwidth.

The modulator was simulated with the BSIM3v3 SPICE model. The spectrum can be seen in
Figure 6.8 for a 10 MHz and 50 MHz clock frequency (effective sampling rate is 20 MHz and 100
MHz respectively). The SNR numbers are shown for an OSR of 50. The power dissipation for
both sets of data was 200 mW.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 159 of 190



Low Power Delta-Sigma ADC 144
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Figure 6.8 Simulation result for second order A modulator

6.2.2 Experimental Results

In this section, contributions by the author are discussed. This includes testing and debugging

the circuit, evaluating the performance, and presenting the overall work at a conference [Swa99].

The circuit was tested with an HP4145 semiconductor parameter analyzer to provide dc biases
and to perform low current measurements for power calculations. There are two modes of

operation for this modulator: the normal mode and the low-power mode.

In the normal mode, the op-amps are biased at the nominal supply voltage (1 V) so that the op-
amps can operate at a higher frequency. Figure 6.9 is the power spectrum of the output. The input

signal is a -13 dBm sinusoidal tone at 100 kHz, and the effective sampling rate is S0 MHz, which
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is limited by the available test equipment. The SNR is 36 dB (6 bits) over a 1 MHz bandwidth,
and 48 dB (8 bits) over a 200kHz bandwidth, corresponding to CDMA and GSM bandwidths
respectively. The power dissipation is 300 mW. As shown in Figure 6.9, the second-order low-

pass noise shaping is clearly indicated by the 40 dB/decade slope from 600 kHz to 3 MHz.

Measured PSD @ 50MHz Fs SNR vs Input
0 T T T

PSD (dB}
|

5
~-40 ~35 =30 =25 -
Fraquency [Hz{ Input [dBm]

@) (b)

20 ~15 =10 -5

Figure 6.9 Normal mode (a) power spectrum and (b) SNR vs. input power at BW =1 MHz

The low frequency noise floor has only been attenuated by about 30 dB, which is 10 dB worse
than the simulation results. This phenomenon is either due to the high circuit noise or low opamp
gain. The circuit noise can be examined by adjusting the amplitude of the feedback signal. In
simulation, adding extra power to the feedback signal lowers the quantization noise until the
threshold where the improvement stops and the noise floor increases again due to the circuit
noise. This relationship is shown in Figure 6.12. However, when the amplitude was increased in
this circuit during the measurement, the noise floor could not be further decreased, which
suggested the performance of the circuit was limited by the low opamp gain. The opamp gain is
reduced because the opamps cannot be biased at the optimum analog ground due to the cascade
configuration and incompatibility between required input and output voltages. Instead, the best

gain was achieved in the non-linear region, and this led to a poor harmonic distortion (HD): an
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HD?2 of -48 dB and an HD3 of -54 dB. Measurement shows that a slight shift of analog ground

(50 mV) can result in the distortion increasing by 30dB.

PSD (dB)

noise

frequency(log)

Figure 6.10 Circuit and quantization noise for increasing feedback voltage

Over a 1 MHz bandwidth, the HD contribution to total noise is insignificant, and therefore the
SNR is close to the SNDR (noise+distortion). However, for a bandwidth of 200 kHz, the SNDR
is about 3 dB lower. The plot of SNR versus input for a bandwidth of IMHz is shown in Figure
6.9. Path mismatch due to non-linear capacitors was suppressed to 30 dB due to the bilinear
configuration, and the measurements are shown in Figure 6.11. The noise at low frequency is flat

because of the low opamp gain, not because of circuit noise.

clock

1 3008 signal

PSD (dB)

alias due to mismaich at
frequency foockfsignal

|
0 fsf2 fs

Figure 6.11 Path mismatch measurement
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In the low power mode, the supply voltage Vp, was dropped to 0.9 V with

Vop = Vipon T Vip p T 50mV where ¥, , and Vy, ,, are the threshold voltages for the PMOS and
NMOS respectively. Figure 6.12 is the output power spectrum. The effective sampling frequency
is S MHz, and a -14.5 dBm sinusoidal tone at 10 kHz is applied. The SNR is 51 dB (8 bits) for a
bandwidth of 20 kHz, and the SNDR is 47 dB. The HD is more severe because the opamp is more

non-linear as Vpp is lowered. The power dissipation is 40 p¢W. The SNR versus input power is

shown in Figure 6.12.
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Figure 6.12 Low-power mode (a) power spectrum and (b) SNR/SNDR vs. input power at
BW =20 kHz

The chip was fabricated in a 0.25um triple-metal single-poly FDSOI CMOS process, and the

chip area is 0.7mm by 0.6mm. The micrograph is shown in Figure 6.13.
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Figure 6.13 Micrograph of the 50 MHz second-order AZ modulator

6.3 Low-Voltage High-Speed Multi-bit Quantizer

In this section, the design of a 1 V 3-bit pipelined ADC is described to demonstrate the low-
voltage and high-speed capability of SOI for mixed-signal applications. The circuit consists of a
novel digital logic circuitry called “complement-and-combine” to alleviate some adverse device
limitations at low voltage. The design was verified by simulation. This ADC is designed for

future radio bandpass AZ ADC implementations as the multi-bit quantizer.
6.3.1 Radio Bandpass AX ADC

SOI transistors for both PMOS and NMOS have demonstrated their high-speed performance
at low-voltage from both device and circuit measurements. Therefore, a 1-V GHz radio bandpass

AZ ADC as shown in Figure 6.14 is being considered for implementation.
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continuous-time multi-bit
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DAC

Figure 6.14 Proposed radio bandpass AX ADC

The system consists of four building blocks: a continuous-time comparator, a second-order
-resonator, a multi-bit quantizer and a digital-to-analog converter. The continuous-time

comparator is to be realized by a g,-C transconductance amplifier, for which the gain is

controlled by the feedback current from the DAC. The bandpass filter is an L-C resonator using
on-chip passive components as described in Chapter 3, and positive feedback circuits for Q-
enhancement. The multi-bit quantizer is a pipelined ADC, and the DAC is an array of switching

transconductance amplifiers. Details of the quantizer and DAC are discussed below.
6.3.2 Multi-bit Quantizer Specification

To achieve better resolution for a AX ADC, a multi-bit quantizer can be used instead of a
single-bit quantizer [Nor97]. The quantization noise is lower by 6 dB for every additional bit, and
the AWGN model is more accurate because the multi-bit quantizer is based on linear operation.
Furthermore, the AX loop is easier to stabiljze so that quantizer overload can be avoided.
However, any non-linear error of the quantizer directly contributes to the modulator non-

linearities, increasing harmonic distortions and reducing the dynamic range.

Before designing the circuit, performance specifications targeted for the future bandpass AT

ADC were considered as follows:

1. sampling frequency: in order to realize the resonator using an on-chip inductor, the resonator

must be operated in the low to middle GHz range. Next, /4! is where the notch will be
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placed, then for a resonant frequency of 1 GHz, the sampling frequency is 4 GHz. Therefore,
the quantizer must be able to operate at this speed. A pipelined ADC using dynamic

comparators [Cho95] was chosen due to its circuit simplicity for high-speed operation.

2. quantizer level: the next question is the number of bits for the quantizer. Since high speed up
to 4 GHz 1is required, operational amplifier feedback circuits and hence many analog
techniques are not applicable. Since dynamic comparators are used to compare the signal
level against the reference voltage level, the quantizer level is limited by the 1 V voltage
headroom (V) and circuit noise. In this design, 8 quantization levels (3 bits) from 0.2 V to
0.8 V with a quantization step of 0.1 V were chosen. A 4-bit quantizer requires a quantization
step of at least 62.5 mV, making the realization extremely difficult at high speeds because the

threshold voltage is about 0.2 V.

3. signal encoding: digital representation y(z) is important because this determines the design of
the quantizer output and the DAC input. The two most commonly used codes are the binary

code and the thermometer code as shown in Table 6.1. Clearly, the thermometer code is not as

efficient as the binary code since, to represent 2" digital signals, it requires 2”-1 digits as
opposed to n digits as required in binary code. However, thermometer coding has lower
differential non-linearity error, guaranteed monotonicity and reduced glitching noise [Joh97],
which are important in high speed DAC design. One of the most crucial reasons for using this
coding is that the output of a pipelined ADC is inherently thermometer coded, so extra
circuitry for binary code conversion is not required in the critical feedback path, making the
high speed operation more probable. For the above reasons, the thermometer code was chosen

for implementation.

In summary, a 3-bit thermometer coded ADC with f, greater than 4 GHz using pipelined

architecture is to be designed at 1 V V.

1. £/4 is a popular choice for easy transfer function realization. However, 3f,/4 can also realizable if the
sampling frequency is too high.
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Table 6.1: 3-bit representation using binary and thermometer code

decimal binary thermometer code

by by by | 4 d  dy  dy d5  dg &y
0 0 0 0 0 0 0 0 0 0 0
1 0 0 1 0 0 0 0 0 0 1
2 0o 1 oo o 0o o 0 1 1
3 0 1 1 0 0 0 0 1 1 1
4 1 0 0 0 0 0 1 1 I 1
5 1 0 1 0 0 1 1 1 1 1
6 1 1 0 0 1 1 1 1 1 i
7 1 1 1 1 1 1 1 1 1 i

6.3.3 Quantizer Circuit Design with Dynamic Comparator

The 3-bit pipelined ADC has 7 comparators in parallel to perform signal level comparison.

The general structure is shown in Figure 6.15. A resistor chain is used to provide the reference

voltages, and the continuous input v(z) 1s fed into all comparators simultaneously. The outputs

d,(z) are thermometer coded because d-1 must be on if d; is on, where ie [1...7] .

N N
S 5
| + I
>8 i AMA l Wvl
2R R

v(f)

de(2)

d7(2)

nZ

2R

Figure 6.15 3-bit pipelined ADC architecture
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Figure 6.16 Schematic of dynamic comparator and track-and-held circuit

To achieve high speed performance, each comparator as shown in Figure 6.15 is composed of

a dynamic comparator [Cho95] followed by a track-and-hold circuit as shown in Figure 6.16. The

inputs, vﬁ and v, , of this dynamic comparator are driven by NMOS transistors and they are

paired with the reference voltages v,,, and vref respectively. The sums of their currents are
compared, and the latch on top of the input transistors pulls up or down accordingly. The latch is
reset every clock cycle by the CLK signal at the frequency of f;. Therefore, a comparator is
followed by a track-and-hold circuit to hold the signal until a change is detected. The simulation
results of this circuit are shown in Figure 6.17. In this simulation, it was assumed that the input
signal has been sampled and held, so the input was fixed at a dc level which was set at the middle
of the quantization step. The CLK signal is a square wave with f; of 5 GHz, and the input is a

square wave with amplitude between 0.15 to 0.85 V, with an f;, of 1.22GHz.
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At 5 GHz f;, “bit skipping” was observed such that the correct bit representation was delayed

by a clock cycle. This is because the NMOS drivers of each half-circuit of the comparator were

operating in different regions: one in

threshold region (v, = 0.2V), where

gs

saturation (v,, = 0.8), and the other one near the sub-

the transistor has lower current driving capability and the

speed is slower. Thus, the missing of a cycle was due to the slow response of the half-circuit.

However, this problem can be amended by using a novel “complement-and-combine circuit”,

which is described in the next section.
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6.3.4 Complement-and-Combine Circuit

The slow response of the half circuit is due to the low v, (0.2 V) of the NMOS drivers. This

problem can be alleviated by using the complement of the dynamic comparator with PMOS as the

drivers. Nonetheless, the same problem persists at high Vg (0.8V) that makes the PMOS drivers
operate in the sub-threshold region. One possible solution is to use PMOS drivers when Vg is low
(0.2'V), and use NMOS drivers when vy, is high (0.8 V). The circuit block diagram is shown in

Figure 6.18.

comparator-p

T

comparator-n

Vief

combine logic
<<
[e]

Figure 6.18 Complement-and-combine topology

The complement-and-combine topology consists of a comparator with NMOS drivers (Figure

6.16) called “comparator-n”, the complementary circuit! of the comparator-n which is made with
PMOS drivers, called “comparator-p”, and a logic circuit that combines the outputs of the two

comparator and selects the proper signal to output.

The combine logic was designed based on the assumption that the slow comparator is able to

respond correctly within # clock cycles, where n is given by

n=f/fin—2 (6.9)

1. complementing a circuit is achieved by interchanging PMOS and NMOS transistors, and interchanging
Vpp and ground.
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where f;, is the input frequency, and -2 comes from the fact that the digital logic requires one

cycle to respond and one cycle for margin. Consider an example for bit skipping as shown in

Figure 6.19. v;, is the sampled-and-held input signal at /4 that swings between 0.15 and 0.85 V.
This causes both p- and n- comparators with slow transistors (Vyerat 0.2 and 0.8 V) to switch
output responses, which are v, , and v, , respectively. v, , has the correct pull-up response but is
slow in pulling down, while v, ,, has the correct pull-down response but is slow in pulling up.
Therefore, the selection criteria for the logic function is defined as “use v, p for pull-up, and v, ,

for pull-down”.

CLK I | | !
| | | I
I | [ I
i f | l
Vin | | | |
] l I |
correct ' l | |
response I
Yon { correct
| [ response |
| I |
Vo,p i [
i D
|l ol I o)
| | | i
bit skip for bit skip for
comparator-n comparator-p

Figure 6.19 Bit skipping for comparator-n and comparator-p

This logic can be realized using a Mealy machine in 2 states. After some state diagrams and

Karnaugh map analysis, the logic functions for the next state Q" is

Q" = UD+QD+QU (6.10)

where U and D are the digital representations of v, , and v, , respectively, and Q is the present

state variable. The output logic function O is:
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O = UD+QU+ QD

(6.11)

From (6.10) and (6.11), only one flip-flop and a few logic gates are required to construct the

combined logic circuit. A dynamic flip-flop is used for its high speed performance, and static

logic gates are used for the rest of the circuits.

The circuits were put together and simulated. The results are shown in Figure 6.20. Up to 5

GHz f; and 1.25 GHz f;,,, the circuits function properly with no bit skipping observed. Hence, the

functionality of complement-and-combine circuits was verified. Finally, the simulated power

dissipation of the whole circuitis only 4 mW at 1 V V.
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Figure 6.20 Simulation of ADC with complement-and-combine circuit
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6.3.5 Current-Mode DAC

In this section, the design and simulation of a 3-bit current-mode DAC is discussed. This
circuit serves two purposes: (a) provides a means of measuring the 3-bit pipelined ADC, and (b)
serves as the DAC in the feedback path as shown in Figure 6.14 for future bandpass AZ ADC
implementation. A single-supply positive-output DAC as described in [Joh97] was used, and the

schematic of the DAC is shown in Figure 6.21.

il
=
o

il

;
1

Vbias - T T T

~ Figure 6.21 3-bit single-supply positive-output DAC with bias-T lead

The inputs d; to d7 are the 3-bit digital thermometer coded signals, v,,ris the reference voltage
that determines the current for each branch, vy, and vy are the dec biases for cascode transistor
M2 and the bias-T, and v,, is the analog output voltage. The circuit works as follows. M3 behaves
like a current source that provides constant current determined by Viers and d, is the digital input
that switches the transistor M/ on or off. When d,, is low, M/ is on and the current from M3 steers
through M! to ground, nulling the output current through M2. When d,, is high, M1 is off, M2 and
M3 forms a cascode current source so that the current is delivered to the output. The output
current of each branch are summed and delivered to the output load, which 1s an external bias-T in

this case. The inductive choke of the bias-T provides a high ac impedance for measurement (see

Section 4.9).
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For measurement purpose, the ADC (Section 6.3.4) and the DAC are connected as shown in

Figure 6.22. The accurate measurement of the ADC depends on the accuracy of the DAC. The

rule of thumb is that if the DAC has 2 bits more accuracyl than the ADC, then it can be

considered as an ideal element, 5 bits for the DAC in this case and the ADC is 3 bits. The

accuracy of the DAC is mainly dependent on the mismatch of the current source M3 (Figure

6.21). For this technology, adjacent transistor mismatch is less than 1%, which corresponds to 6.6

bits of accuracy. Therefore, the DAC is considered as an ideal block in measurement.

input at f/4
(1.25GHz)

clock at g (5GHz)

3-bit pipelined
ADC

3-bit

DAC

output at f/4
(1.25 GHz)

o o - - -

-

Figure 6.22 Proposed 3-bit pipelined ADC

f~+— to spectrum

analyser (50Q)

For future radio bandpass AZ ADC implementation, the current signal from the DAC can be

fed back to control the gain transconductance amplifier through a current mirror as shown in

Figure 6.23.

L ipAc

transconductance

amplifier

Figure 6.23 An example feedback circuit from DAC

1. : Note that resolution and accuracy are two different measurements
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6.4 Summary

In this chapter, the basic theory of AZ modulation is reviewed. Next, a 50 MHz second-order
AY ADC was designed, implemented and measured. The performance of the ADC is listed in
Table 6.2.

Table 6.2: AZ ADC performance summary

mode bandwidth SNR/SNDR power dissipation
nominal IMHz 36 dB/ 36 dB (6 bit) 300 mW
nominal 200 kHz 48 dB/ 48 dB (8 bit) 300 mW
low power 20 kHz 51 dB/ 47 dB (8 bit) 40 W

Next, the design of a high-speed low-voltage 3-bit pipelined ADC was presented, and this
circuit serves as a multi-bit quantizer for future bandpass AX ADC implementations. At4 GHz,
the simulation shows “bit-skipping” so that the correct response was delayed by one clock cycle
due to device speed limitation at low-voltage. Therefore, a novel circuitry called “complement-
and-combine” was introduced to resolve the speed reduction, and operation up to 5 GHz with no
bit-skipping was shown by simulation. The ADC incorporates a current-mode DAC for

measurement. The simulated total current of the circuit is 4 mW.

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 175 of 190



Chapter 7 Conclusions and Future Work

7.1 Conclusions

The advancement in fabrication technology to deep submicron makes it feasible to implement
RF function blocks in CMOS. This makes it possible to realize single-chip integration in CMOS-
only technology instead of a more expensive BiCMOS technology. As a result of technology
advancement in CMOS, SOI has also gained popularity because it is inherently better than bulk

CMOS in high-speed low-power performance at low supply voltage.

This thesis presents the design, analysis, simulation and experimental verification of several
benchmark RF circuits in SOI CMOS to demonstrate the strength and advantages of this
technology. Taking advantage of the unique properties of SOI, several intuitive theoretical
concepts and innovative design techniques were applied to resolve the bottlenecks in bulk
technology and hence improve circuit performance. All the circuits in this thesis are the first
reported implementation in SOI, and measured results show that these circuits clearly out-perform

all other reported CMOS high-speed low-voltage low-power RF circuits.

In this thesis, the basic properties of the SOI transistors were first studied in Chapter 2.
Capacitor models were introduced to gain an intuitive understanding of the device phenomena

from the circuit point of view. The low-voltage high-speed performance of the 0.13 um

160
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technology used here for circuit design (e.g., 148 GHz f; for NMOS transistor at 1 'V operation)

shows promise of these devices for RF applications.

In Chapter 3, high quality passive devices were examined and developed because they are
crucial for high performance RF circuits. For inductors, a 0.85 nH horseshoe inductor with
single-ended O over 20 between 2 to 5 GHz was implemented. The high O performance is mainly
due to highly conductive copper metal, thick isolation between the inductor metal and the
substrate, and small inductor area that minimizes substrate loss. This is the first report of a single-
loop inductor in CMOS circuits, demonstrating the application and feasibility of the inductor in
the 5 GHz range. As an aside, a 17 nH inductor was also designed for future application as an IF/

RF choke. Ithasa O above 5 between 0.6 to 3 GHz, and occupies an area of only 140 um by 140
um.

As for varactors, the operation principal of an AMOS varactor was analyzed. The figures of
merit, namely C,,,./C,,;, tatio and O, were defined. As well, the characteristic curves of the
AMOS varactor were explained. Through the physical understanding of the device, the crucial
factors that lead to high performance AMOS varactor were identified: (a) the reduced parasitic
capacitance in SOI technology results in better C,,,,/C,,;,, than bulk, and (b) improved lithography
leads to high Q. This hypothesis was verified with numerical device simulation. Finally, an
AMOS varactor with C,,, /C,... of 6 and tuning voltage of £0.9V with O between 95 to 170 was

designed and measured at | GHz.

With high quality inductors and varactors, several VCOs were designed and measured as
described in Chapter 4. Simplified phase noise theory was reviewed, and new techniques for
VCO design were developed, making use of both high performance active and passive devices.
First, a low-voltage circuit technique called “simultaneous g,, and impedance matching” was
developed to improve phase noise of the VCO, taking full advantage of the availability of deep
submicron gate length transistors (0.13 pum in this case) [Fon02d]. Compared to conventional
design methods, the application of this technique results in phase noise improvement of up to 8§

dB without any VCO performance penalty.
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Limited tuning range is one of the major bottlenecks in CMOS VCOs. However, the high
Cinax! Cnin Tatio measured in the SOl AMOS varactor suggested a possible solution to this
problem. Therefore, low-voltage frequency tuning of the VCO was studied, and the relationship
between phase noise and varactor gain (and hence frequency tuning range) was determined. In
the analysis as well as in measurements, it was found that high varactor gain introduces excess
noise into the VCO, degrading the phase noise significantly. To compensate this adverse effect,
two novel approaches, band-switching [Fon02a] and differentially-tuned topologies [Fon02b],
were used to reduce the undesirable effects of high varactor gain, while maintaining the frequency

tuning range.

Band-switching topology uses a bank of digitally-controlled switching capacitors to select the
frequency band of operation, and a small tuning varactor to control the VCO to oscillate at the
desired frequency. Through frequency band selection, the frequency tuning range is maintained,
while the excess phase noise is reduced by tuning a smaller varactor. The implemented band-
switching VCO achieves a wide tuning range up to 58.7% with £0.7 V tuning voltage using three
varactors, demonstrating the wide tuning capability of the SOI AMOS varactor. Furthermore, it
was observed that a three times smaller varactor gain results in phase noise improvement up to 7

dB, illustrating the concept of excess phase noise reduction through band-switching topology.

Next, the differentially-tuned varactor was examined, and a simple but novel theory for low-
frequency common-mode noise rejection was developed. This new theory clearly points out the
advantage of differential tuning as compared to conventional single-ended tuning, and the theory
was verified by experimental measurement. Moreover, the advantage of using SOI as compared
to bulk technology was explained. By using differential tuning, the VCO was able to operate at 1
V, 4.4 GHz centre frequency with a 40% tuning range. If the voltage supply is reduced to 0.75 V,
the power dissipation is only 0.8 mW at 5.7 GHz. This is the first sub-1V sub-mW CMOS VCO

reported at this frequency.

In order to evaluate the performance limit of the SOTI transistor and the AMOS varactor, a 40
GHz VCO was implemented. A complementary VCO topology, using both PMOS and NMOS
latches, was employed to study the feasibility of PMOS transistors in SOI at this speed. This is

ADVANCED MICRO DEVICES, INC. IPR2023-00788 Ex. 1027, p. 178 of 190



Conclusions 163

crucial because additional phase noise improvement techniques can be applied if PMOS
transistors are available. A number of design considerations regarding frequency tuning were
identified, and they were employed to construct the first CMOS VCO with a record frequency
tuning range up to 15% [Fon02c]. The area of the circuit is only 100 um by 100 um. Finally, in
order to measure high-speed low-voltage circuits (e.g., the 40 GHz VCO) accurately, a bias-T
source follower was introduced. The advantage was explained and verified by measurement in

Section 4.9.

To illustrate that SOI technology is the best technology option for low voltage RF system
integration in a single chip, several high frequency circuits were designed or implemented. In
Chapter 5, LNAs were designed with the “simultaneous power and matching” technique, utilizing
the advantage of high-speed transistors in deep submicron technology. Then, in Chapter 6, high-
speed low-voltage mixed-signal and analog issues were studied. As switched-C is one of the most
important circuit techniques used in mixed signal, a 50 MHz AX ADC [Swa99] was measured to
evaluate the low-voltage low-power analog and switched-C performance in SOl. Measured
results demonstrated circuit operation down to 0.9 V, drawing only 40 uW with 6-bit
performance. Next, the low-voltage high-speed capability in mixed-signal circuits was studied.
A 1V 5 GHz 3-bit pipelined ADC was designed and simulated, and it was found that circuit
performance was limited due to transistor speed degradation at low voltage. To resolve the
problem, a new circuit technique “complement-and-combine” was introduced to improved the

circuit performance, and the concept was verified by simulation.

In summary, the key for building high performance RF integrated circuits is high speed
transistors and good quality passives. The 0.13 um SOI CMOS technology provides transistors
which have both f7 and f,,,, above 100 GHz for NMOS devices, and above 60 GHz for PMOS
devices. Inductors with Q greater than 20 and varactors with Q above 95 were designed in this
technology. Several high-speed low-voltage circuits (VCO, LNA and ADC) were designed,
simulated and measured. Besides the speed advantage, the superiority of SOI over bulk
technology was demonstrated from the measured performance of the varactor and the VCOs.

Furthermore, measured data also shows the high speed, low voltage and low power capability of
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SOI, and therefore it is concluded that SOI should be considered as a prime technology for

single-chip RF system integration.

7.2 Future Work

¢ Measurement

Several circuits were submitted for fabrication and still need to be measured when the chips
return. The circuits include the 5.4 GHz LNA with all-passive zero-dc-power image rejection
(Section 5.7), the 1 V 5 GHz 3-bit pipeline ADC (Section 6.3), and several transformer [Lon00b]
designs that are not described in this thesis. Similar to the inductors, the transformers are to be

characterized for the technology component library.
* 5 GHz bandpass AZ ADC

As described in Section 6.3.1, the high-speed pipelined ADC is designed as a multi-bit
quantizer for a high-speed bandpass AZ ADC. Resonant circuits will be used as the continuous-
time loop filter, taking advantage of the high Q inductors and widely tunable varactors. If this
circuit is successfully implemented, the architecture of the receiver front-end will be simplified
enormously. The measured LNA, VCO and ADC are to be integrated together to construct a §

GHz RF front-end receiver.
o 40 GHz phase-locked loop

In this thesis, a 40 GHz VCO with a tuning range up to 15% was designed and measured.
Since complementary topology was used for the VCO, this suggested PMOS latches can operate
at a speed above 40 GHz. This suggests the possibility of implementing gigabit communication

circuits such as clock and data recovery circuit using the SOI technology.
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7.3 Technology Trend

¢ Which technolegy will win the battle, bulk or SOI?

RF CMOS is driven by the enormous demand from the CMOS digital market. Within the
digital market, a large portion of the pie goes to personal computers chip sets, which are
dominated by the commercial giants such as Intel, AMD and IBM. Conventionally, the
advantages of bulk over SOI is technology cost and maturity. However, as the lithography
continues to improve to 0.08 um and below, the substrate capacitance of the bulk device imposes
the major limitation to transistor speed and power dissipation, while SOI still enjoys the
advantage of reduced capacitance due to the body oxide, taking full advantage of lithography

down-scaling. For these reasons, Intel and AMD have announced that they will switch from bulk

technology to SOI for their next generation computer processors!, while IBM has already
employed SOI in production for their Power PC series. The technology switching to SOI will
significantly lower the wafer cost, and the technology has been (or has to be) qualified due the

strong demand for commercial production.

Therefore, it is predicted that SOI will become the dominant technology over bulk CMOS, at

least in the high-speed low-voltage low-power category.

o Integrated optical circuit in SOI

Despite recent economic trends, fibre optics remains the only viable choice for tera-bit
telecommunication systems. Using the body oxide as the bottom boundary as shown in Figure
7.1, optical rib waveguides have been implemented successfully on SOI substrates. If a suitable

detector for the 1.3 to 1.5 um light used in optical telecommunication can be integrated with

SOI?, optical and electronic circuit integration in a single chip may become a possibility. For

example, an optical receiver could have de-multiplexed certain wavelength down to 100 GHz for

1. Intel announced it plans to use Tera Hertz SOI CMOS transistors for the next generation microprocessor
between the year 2005 to 2010 (www.intel.com/research/silicon/micron.htm).
2. One possible solution is to use SiGe based PIN diode for light detection.
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electronic processing. Since the NMOS transistors have both £; and f,,,, greater than 100 GHz',

the signal, in theory, can be de-multiplexed by 4, and processed digitally at 25 GHz.

Si (substrate) p-sub

\ buried oxide as the bottom
boundary of the waveguide

Figure 7.1 Integrated rib waveguide in SOI

¢ To infinity, and beyond

Besides high-speed low-voltage capability for communication and digital applications such as
RF systems and microprocessors, the extra buried oxide of SOI enables additional applications
not possible in bulk devices. An exciting application of SOI is single electron transistor (SET)
based microelectronics for high-density low-power information processing and memory
applications. One of the keys for SET circuit is that the body silicon layer has to be extremely
thin to minimize charge leakage. The successful fabrication of ultra thin silicon film down to 1
nm demonstrates that one monolayer of silicon is achievable in SOI technology [Ern99], which

makes SET technology a promising field in the future.

Another interesting field for SOI is three-dimensional integration circuit (3D-IC), in which

multiple layers of active silicon are vertically stacked and interconnected using the SOI

1. The IBM 0.12 pm SOI NMOS transistor has a measured fr > 200 GHz.
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fabrication technology [Sar99]. The most significant advantages of 3D-IC are that chip area is
reduced to increase circuit density, and distance between circuits is shortened to improve
mterconnect delay. Fabrication difficuity is the major stumbling block, at least for the moment,
preventing deep submicron technology from being integrated in 3D-IC. However, with
technology advancement, it is possible to have deep submicron transistors at the bottom layer, and
low thermal-budget transistors at the upper levels as shown in Figure 7.2. For example, memory

circuits can be placed on the top levels and fast digital processor on the base layer.

thick gate oxide

low thermal
budget layer

high thermal
budget layer

substrate A

Figure 7.2 3D-IC transistor and metal layers

There are many other applications of the buried oxide. For example, it reduces substrate
parasitic capacitance for lateral bipolar transistors!, serves as the isolation layer for high-

resistivity substrate fabrication or silicon micro-machining® in the substrate, and SiGe
implementation in the channel. All these wide possibilities have made SOI an exciting

technology to keep an eye on.

1. A 0.7 um Lateral Diffused MOSFET has a measured f7 and f,,,,, above 10 GHz for high-speed and ultra-
low-power analog applications.
2. This can be used for application such as fabrication of hollow inductors.
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