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Preface

To keep pace with the rapid evolution of the mobile and wireless communications field,
this second edition of The Mobile Communications Handbook contains 12 revised chapters
and 10 entirely new chapters to complement another 14 chapters carried forward from the
first edition. We use the term mobile communications to include technologies ranging from
cordless telephones, digital cellular mobile radio, and evolving personal communications
systems to wireless data and wireless networks. To cover this range of topics, we present
36 concise chapters by experts from industry and academia. The chapters are written to
provide a succinct overview of each topic, quickly bringing the reader up to date; addition-
ally, the chapters contain sufficient detail and references to encourage further study. The
chapters are more than a ”just the facts” presentation, with many of the authors using their
experience to provide insights into forthcoming developments in the various fields.

The Handbook is divided into two parts. The first part covers the basic principles of
analog and digital communications that pertain to mobile communications, and consists
of 14 tutorial/review chapters that lay a solid groundwork for the wide-ranging aspects
of mobile communications technologies. The second part of the Handbook contains 22
chapters covering such topics as cellular mobile radio, Rayleigh fading channels, space-time
processing, power control, personal communications systems, user location and addressing,
wireless data, wireless local area networks (LANs), wireless ATM, and third generation
wireless standards. The basic principles chapters readily allow the reader to jump right to
the mobile communications topic of interest, with the option of efficiently filling in any gaps
in his/her background by referring back to the Basic Principles section as needed, without
searching through a textbook or shuffling off to the library.

Although there is an ordering to the articles, the sequence of articles does not have to be
read from the beginning to end. Each article was written to be an independent contribution
but with intentional overlap between some articles to prevent the reader from having to flip
back and forth to extract the desired information. Interestingly, as the reader will discover,
this overlap often admits alternative views of difficult issues.

As in the first edition, the lead-off article for the wireless section is written by an ac-
knowledged leader and innovator in wireless communications, Dr. Don Cox of Stanford
University. This chapter is unique in that Dr. Cox inserts comments and provides updates
directly in the text of his chapter from the first edition. Besides being informative and
easy to read, the article implicitly challenges those active in wireless communications to
continually question the common knowledge in the field.

It has been a great pleasure to work with the authors to publish this second edition. The
authors come from all parts of the world and constitute a literal who’s who of workers in
digital and mobile communications. Certainly, each article is an extraordinary contribu-
tion to the communications field, and the collection, I believe, is the most comprehensive
treatment of the mobile communications field available in one volume today. I sincerely
acknowledge the exceptional efforts and talents of my wife, Elaine M. Gibson, who served
as Managing Editor for the project, and was the principal contact point for the authors and
the publisher. Her energy and organizational skills in coordinating each contribution and
in organizing the Handbook were essential to its timely delivery and to its quality. Elaine



and I both appreciate the patience, support, and guidance of the staff at CRC Press during
all stages of developing and producing this Handbook.

Jerry D. Gibson
Dallas, Texas



About the Editor

Jerry D. Gibson currently serves as Chairman of the Department of Electrical Engineer-
ing at Southern Methodist University in Dallas, Texas. He has held positions at General
Dynamics-Fort Worth (1969-1972), the University of Notre Dame (1973-1974), and the
University of Nebraska-Lincoln (1974-1976), and during the Fall of 1991, Dr. Gibson was
on sabbatical with the Information Systems Laboratory and the Telecommunications Pro-
gram in the Department of Electrical Engineering at Stanford University. From 1987-1997,
he held the J. W. Runyon, Jr. Professorship in the Department of Electrical Engineering
at Texas A&M University.

Dr. Gibson is coauthor of the book Introduction to Nonparametric Detection with Appli-
cations ( Academic Press, 1975 and IEEE Press, 1995), the author of the textbook, Principles
of Digital and Analog Communications (Prentice-Hall, second edition, 1993), and coauthor
of the book Digital Compression for Multimedia (Morgan Kaufmann, 1998). He was As-
sociate Editor for Speech Processing for the IEEE Transactions on Communications from
1981 to 1985 and Associate Editor for Communications for the IEFE Transactions on In-
formation Theory from 1988-1991. He has served as a member of the Speech Technical
Committee of the IEEE Signal Processing Society (1992-1995), on the Editorial Board for
the Proceedings of the IEEE (1991-1997), and as a member of the IEEE Information The-
ory Society Board of Governors (1990-1998). He was President of the IEEE Information
Theory Society in 1996. Dr. Gibson is Editor-in-Chief of The Mobile Communications
Handbook (CRC Press, 1996) and Editor-in-Chief of The Communications Handbook (CRC
Press, 1997).

In 1990, Dr. Gibson received The Fredrick Emmons Terman Award from The American
Society for Engineering Education, and in 1992, was elected Fellow of the IEEE “for con-
tributions to the theory and practice of adaptive prediction and speech waveform coding.”
He was corecipient of the 1993 IEEE Signal Processing Society Senior Paper Award for
the Speech Processing area. His research interests include data, speech, image, and video
compression, multimedia over networks, wireless communications, information theory, and
digital signal processing.
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Complex Envelope Representations
for Modulated Signals
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1.1 Introduction

What is a general representation for bandpass digital and analog signals? How do we
represent a modulated signal? How do we evaluate the spectrum and the power of these
signals? These are some of the questions that are answered in this chapter.

A baseband waveform has a spectral magnitude that is nonzero for frequencies in the
vicinity of the origin (i.e., f = 0) and negligible elsewhere. A bandpass waveform has a
spectral magnitude that is nonzero for frequencies in some band concentrated about a fre-
quency f = +f. (where f. > 0), and the spectral magnitude is negligible elsewhere. f. is
called the carrier frequency. The value of f. may be arbitrarily assigned for mathematical
convenience in some problems. In others, namely, modulation problems, f. is the fre-
quency of an oscillatory signal in the transmitter circuit and is the assigned frequency of
the transmitter, such as 850 kHz for an AM broadcasting station.

In communication problems, the information source signal is usually a baseband signal—
for example, a transistor-transistor logic (TTL) waveform from a digital circuit or an audio
(analog) signal from a microphone. The communication engineer has the job of building a
system that will transfer the information from this source signal to the desired destination.

1Source: Couch, Leon W., II. 1997. Digital and Analog Communication Systems, 5th ed., Prentice Hall,
Upper Saddle River, NJ.

0-8493-8597-0/99/$0.00+5.50
® 1999 by CRC Press LLC 1-1
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1-2  CHAPTER 1. COMPLEX REPRESENTATIONS FOR MODULATED SIGNALS

As shown in Fig. 1.1, this usually requires the use of a bandpass signal, s(t), which has
a bandpass spectrum that is concentrated at +f. where f. is selected so that s(t) will
propagate across the communication channel (either a wire or a wireless channel).

Information
nput (¢) (¢) ri i
m . 8(¢ . s(6} ¥ Transmission | 7(f) () . m
3 Signal » Carrier N . » Carrier » Signal >
processing circuits medium circuits processing
(channel)
Transmitter Receiver

FIGURE 1.1  Bandpass communication system. Source: Couch, L.W.,, II. 1997. Digital and Analog Communication
Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 227. With permission.

Modulation is the process of imparting the source information onto a bandpass signal
with a carrier frequency f. by the introduction of amplitude and/or phase perturbations.
This bandpass signal is called the modulated signal s(t), and the baseband source signal is
called the modulating signal m(t). Examples of exactly how modulation is accomplished are
given later in this chapter. This definition indicates that modulation may be visualized as

a mapping operation that maps the source information onto the bandpass signal s(t) that
will be transmitted over the channel.

As the modulated signal passes through the channel, noise corrupts it. The result is a
bandpass signal-plus-noise waveform that is available at the receiver input, 7(t), as illus-
trated in Fig. 1.1. The receiver has the job of trying to recover the information that was
sent from the source; M denotes the corrupted version of m.

1.2 Complex Envelope Representation

All bandpass waveforms, whether they arise from a modulated signal, interfering signals,
or noise, may be represented in a convenient form given by the following theorem. v(t) will
be used to denote the bandpass waveform canonically. That is, v(¢) can represent the
signal when s(t) = v(t) , the noise when n(t) = v(t), the filtered signal plus noise at the
channel output when 7(¢) = v(t), or any other type of bandpass waveform?.

THEOREM 1.1  Any physical bandpass waveform can be represented by

v(t) = Re{g(t)esvt} (L.1a)

Re{-} denotes the real part of {-}. g(t) is called the complex envelope of v(t), and f. is the
assoctated carrier frequency (hertz) where w. = 2w f.. Furthermore, two other equivalent
representations are

A
2The symbol = denotes an equivalence and the symbol = denotes a definition.

18



1.2. COMPLEX ENVELOPE REPRESENTATION 1-3

o(t) = R(t) cos [wet + 0(1)] (1.1b)
and

v(t) = 2(t) coswet — y(t) sinwet (1.1c)

where
g(t) = (1) + Gy (t) = lg(t)|e?“90) = R(t)e?®) (12)
z(t) = Re{g(t)} = R(t)cos(t) (1.3a)
y(z) = Im{g()} = R(t)sino(t) (1.3b)
R(t) £ |g(t) = vz (1) +47(@1) (L4a)
o(t) 2 Lg(t) =tan™? @(—2) (1.4b)

The waveforms g(t), z(t), y(t), R(t), and 6(t) are all baseband waveforms, and, except
for g(t), they are all real waveforms. R(t) is a nonnegative real waveform. Equation (1.1)
is a low-pass-to-bandpass transformation. The e/’ factor in (1.1a) shifts (i.e., translates)
the spectrum of the baseband signal g(¢) from baseband up to the carrier frequency fe.
In communications terminology the frequencies in the baseband signal g(t) are said to be
heterodyned up to f.. The complex envelope, g(t), is usually a complex function of time
and it is the generalization of the phasor concept. That is, it ¢(t) happens to be a complex
constant, then v(t) is a pure sine wave of frequency f. and this complex constant is the
phasor representing the sine wave. If g(t) is not a constant, then v(t) is not a pure sine
wave because the amplitude and phase of v(¢) varies with time, caused by the variations of
g(t)-

Representing the complex envelope in terms of two real functions in Cartesian coordinates,
we have

g(z) = z(t) + jy(t) (1.5)

where z(t) = Re{g(t)} and y(t) = Im{g(¢)}. z(¢) is said to be the in-phase modulation
associated with v(¢), and y(t) is said to be the quadrature modulation associated with v(t).
Alternatively, the polar form of g(t), represented by R(t) and 6(¢), is given by (1.2), where
the identities between Cartesian and polar coordinates are given by (1.3) and (1.4). R(t)
and (t) are real waveforms and, in addition, R(t) is always nonnegative. R(t) is said to be
the amplitude modulation (AM) on v(t), and () is said to be the phase modulation (PM)
on v(t).

The usefulness of the complex envelope representation for bandpass waveforms cannot
be overemphasized. In modern communication systems, the bandpass signal is often parti-
tioned into two channels, one for z(¢) called the I (in-phase) channel and one for y(t) called
the Q (quadrature-phase) channel. In digital computer simulations of bandpass signals, the
sampling rate used in the simulation can be minimized by working with the complex enve-
lope, g(t), instead of with the bandpass signal, v(t), because g(t) is the baseband equivalent
of the bandpass signal [1].
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1.3 Representation of Modulated Signals

Modulation is the process of encoding the source information m(t) (modulating signal) into
a bandpass signal s(t) (modulated signal). Consequently, the modulated signal is just a
special application of the bandpass representation. The modulated signal is given by

s(t) = Re {g(t)e’*"} (1.6)

where we = 2mf.. f. is the carrier frequency. The complex envelope g(t) is a function of
the modulating signal m(t). That is,

g(t) = glm(t)] (1.7)

Thus g[-] performs a mapping operation on m(t). This was shown in Fig. 1.1.

Table 1.1 gives an overview of the big picture for the modulation problem. Examples
of the mapping function g[m| are given for amplitude modulation (AM), double-sideband
suppressed carrier (DSB-SC), phase modulation (PM), frequency modulation (FM), single-
sideband AM suppressed carrier (SSB-AM-SC), single-sideband PM (SSB-PM), single-
sideband FM (SSB-FM), single-sideband envelope detectable (SSB-EV), single-sideband
square-law detectable (SSB-SQ), and quadrature modulation (QM). For each g[m], Ta-
ble 1.1 also shows the corresponding z(t) and y(t) quadrature modulation components,
and the corresponding R(t) and 6(t) amplitude and phase modulation components. Digi-
tally modulated bandpass signals are obtained when m(t) is a digital baseband signal—for
example, the output of a transistor transistor logic (T'TL) circuit.

Obviously, it is possible to use other g[m] functions that are not listed in Table 1.1. The
question is: Are they useful? g¢[m] functions are desired that are easy to implement and
that will give desirable spectral properties. Furthermore, in the receiver the inverse function
m[g] is required. The inverse should be single valued over the range used and should be
easily implemented. The inverse mapping should suppress as much noise as possible so that
m(t) can be recovered with little corruption.

1.4 Generalized Transmitters and Receivers

A more detailed description of transmitters and receivers as first shown in Fig. 1.1 will now
be illustrated.

There are two canonical forms for the generalized transmitter, as indicated by (1.1b)
and (1.1c). Equation (1.1b) describes an AM-PM type circuit as shown in Fig. 1.2. The
baseband signal processing circuit generates R(t) and 6(t) from m(t). The R and 0 are
functions of the modulating signal m(t), as given in Table 1.1, for the particular modulation
type desired. The signal processing may be implemented either by using nonlinear analog
circuits or a digital computer that incorporates the R and @ algorithms under software
program control. In the implementation using a digital computer, one analog-to-digital
converter (ADC) will be needed at the input of the baseband signal processor and two
digital-to-analog converters (DACs) will be needed at the output. The remainder of the
AM-PM canonical form requires radio frequency (RF) circuits, as indicated in the figure.

Figure 1.3 illustrates the second canonical form for the generalized transmitter. This uses
in-phase and quadrature-phase (IQ) processing. Similarly, the formulas relating z(¢) and
y(t) to m(t) are shown in Table 1.1, and the baseband signal processing may be implemented
by using either analog hardware or digital hardware with software. The remainder of the
canonical form uses RF circuits as indicated.
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1.4. GENERALIZED TRANSMITTERS AND RECEIVERS
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TABLE 1.1 Complex Envelope Functions for Various Types of Modulation® (Continued)

Corresponding Amplitude
and Phase Modulation

Type of
Modulation R(t) o(t) Linearity Remarks
AM Ac|l 4+ m(t)] 0, . mH>-1 Le® m(t) > —1 required for enve-
180°, m(t) < —1 )
lope detection
DSB-SC Aclm(t)| 0, m(t) > 0 L Coherent detection required
e 180°, m(t) <0
PM Ae D,m(t) NL D, is the phase deviation
constant (rad/volt)
FM Ag Dy ft m(c)do NL Dy is the frequency deviation
T constant (rad/volt-sec)
SSB-AM-SC®  A.+/[m(t)])2 + [h(t)]2 tan_l[:i:fn(t)/m(t)] L Coherent detection required
SSB-PM? AcetPrm(t) Dpm(t) NL
t
+D n(o)do
SSB-FM® Age 7 S Dy [* mo)do NL
-0
SSB-EV? Ac|l + m(t)] +1n[1 + m(t)] NL m(t) > —1 is required so
that the In(-) will have a real
value
SSB-SQ° Acr/1+ m(t) +31n[1 + m(t)] NL m(t) > —1 is required so
that the In(+) will have a real
value
QM Acy/m2(t) + mi(t) tan ™t [mag () /m1(t)] L Used in NTSC color tele-
vision; requires coherent
detection

Source: Couch, L.W., 11, 1997, Digital and Analog Communication Systems, 5th ed., Prentice Hall, Upper Saddle
River, NJ, pp. 231-232. With permission.

@ Ac > 0 is a constant that sets the power level of the signal as evaluated by use of (1.11); L, linear; NL, nonlinear;
and [7] is the Hilbert transform (a —90° phase-shifted version of [-]). For example,

N oo 2

() =m(t)x & =1 [ m) g

e

b Use upper signs for upper sideband signals and lower signals for lower sideband signals.

¢ In the strict sense, AM signals are not linear because the carrier term does not satisfy the linearity
(superposition) condition.

Analogous to the transmitter realizations, there are two canonical forms of receiver. Each
one consists of RF carrier circuits followed by baseband signal processing as illustrated in
Fig. 1.1. Typically the carrier circuits are of the superheterodyne-receiver type which consist
of an RF amplifier, a down converter (mixer plus local oscillator) to some intermediate
frequency (IF), an IF amplifier and then detector circuits [1]. In the first canonical form of
the receiver, the carrier circuits have amplitude and phase detectors that output f%(t) and
0(t), respectively. This pair, R(t) and 8(t), describe the polar form of the received complex
envelope, §(t). R(t) and 6(t) are then fed into the signal processor which uses the inverse
functions of Table 1.1 to generate the recovered modulation, 7(t). The second canonical
form of the receiver uses quadrature product detectors in the carrier circuits to produce
the Cartesian form of the received complex envelope, Z(t) and §(t). #(¢) and §(¢) are then
inputted to the signal processor which generates r(t) at its output.

Once again, it is stressed that any type of signal modulation (see Table 1.1) may be
generated (transmitted) or detected (received) by using either of these two canonical forms.
Both of these forms conveniently separate baseband processing from RF processing. Digital
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‘ | modulator | cosfw,t+8(5)]

FIGURE1.2 Generalized transmitter using the AM-PM generation technique. Source: Couch, L.W.,, I1. 1997. Digital

and Analog Communication Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 278. With permission.
RF circuits
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FIGURE 1.3  Generalized transmitter using the quadrature generation technique. Source: Couch, LW, 1L 1997.
Digital and Analog Communication Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 278. With permission.

techniques are especially useful to realize the baseband processing portion. Furthermore, if
digital computing circuits are used, any desired modulation type can be realized by selecting
the appropriate software algorithm.

1.5 Spectrum and Power of Bandpass Signals

The spectrum of the bandpass signal is the translation of the spectrum of its complex
envelope. Taking the Fourier transform of (1.1a), the spectrum of the bandpass waveform
is [1]

1

V(f) = 5 [G (f - fc) +G* ('"f - fc)} (1.8)

where G(f) is the Fourier transform of g(t),
& .
()= [ aera,
—o0
and the asterisk superscript denotes the complex conjugate operation. The power spectra
density (PSD) of the bandpass waveform is [1]

Pof) = 5 Py (F = o)+ Py (= £ (19

23
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where Py(f) is the PSD of ¢(t).

The average power dissipated in a resistive load is Vi3, /Ry or I2 Ry where Vi is the
rms value of the voltage waveform across the load and I, is the rms value of the cwrrent
through the load. For bandpass waveforms, Eq. (1.1) may represent either the voltage or

the current. Furthermore, the rms values of v(t) and g(f) are related by [1]

Vi = (2(0)) = 5 (19O) = 50%ns (110)

where (-) denotes the time average and is given by

([ D=mmr o] e

Thus, if v(t) of (1.1) represents the bandpass voltage waveform across a resistive load, the
average power dissipated in the load is

P, — Vins _ (0P(1) _ (9)P) _ ghns

R, R 2R,  2R;

(1.11)

where grms 18 the rms value of the complex envelope and Ry, is the resistance of the load.

1.6 Amplitude Modulation

Amplitude modulation (AM) will now be examined in more detail. From Table 1.1 the
complex envelope of an AM signal is

g(t) = Ac[l + m(t)] (1.12)

so that the spectrum of the complex envelope is
G(f) = Acd(f) + AM(f) (1.13)

Using (1.6), we obtain the AM signal waveform
5(t) = Ac[l + m(t)] coswet (1.14)

and, using (1.8), the AM spectrum

S() =348 (F = F)+ M(F = f)+ 0+ L)+ MU +F)] (1)

where 0(f) = 6(—f) and, because m(t) is real, M*(f) = M(—f). Suppose that the
magnitude spectrum of the modulation happens to be a triangular function, as shown
in Fig. 1.4(a). This spectrum might arise from an analog audio source where the bass fre-
quencies are emphasized. The resulting AM spectrum, using (1.15), is shown in Fig. 1.4(Db).
Note that because G(f — f.) and G*(—f — f.) do not overlap, the magnitude spectrum is

FAS(f—f)+3A M (f—f)l,  f>0
IS(f)] = (1.16)
%Acé(f‘l'f)c‘f‘%ACIM(_f“’f)c|7 f<0

The 1 in
g9(t) = Ac[l +m(t)]
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(b) Magnitude Spectrum of AM Signal

FIGURE 1.4  Spectrum of an AM signal. Source: Couch, L.W., I1. 1997. Digital and Analog Communication Systems,
5th ed., Prentice Hall, Upper Saddle River, NJ, p. 235. With permission.

causes delta functions to occur in the spectrum at f = +f., where f. is the assigned carrier
frequency. Also, from Fig. 1.4 and (1.16), it is realized that the bandwidth of the AM signal
is 2B. That is, the bandwidth of the AM signal is twice the bandwidth of the baseband
modulating signal.

The average power dissipated into a resistive load is found by using (1.11).

AQ

A2
~ 9R;

P —_—
L 2R

(1L +m(®)*) [14 2(m(t)) + (m*(1))]

If we assume that the dc value of the modulation is zero, (m(t)) = 0, then the average
power dissipated into the load is

A 2
Pr, = E<1+mrms> . (117)

where My is the rms value of the modulation, m(t). Thus, the average power of an AM
signal changes if the rms value of the modulating signal changes. For example, if m(?) is a
sine wave test tone with a peak value of 1.0 for 100% modulation,

Myms = 1/\/5 .

Assume that A, = 1000 volts and Ry = 50 ohms, which are typical values used in AM
broadcasting. Then the averagepower dissipated into the 50 € load for this AM signal is
(1000)2 1

P, = 1+ =] =1 tt 1.18
L 2(50) [ +2} 5,000 watts (1.18)
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The Federal Communications Commission (FCC) rated carrier power is obtained when
m(t) = 0. In this case, (1.17) becomes P = (1000)2?/100 = 10,000 watts and the FCC
would rate this as a 10,000 watt AM station. The sideband power for 100% sine wave
modulation is 5,000 watts.

Now let the modulation on the AM signal be a binary digital signal such that m(t) = £1
where +1 is used for a binary one and —1 is used for a binary 0. Referring to (1.14),
this AM signal becomes an on-off keyed (OOK) digital signal where the signal is on when
a binary one is transmitted and off when a binary zero is transmitted. For A, = 1000
and Ry = 50 €2, the average power dissipated would be 20,000 watts since myms = 1 for
m(t) = £1.

1.7 Phase and Frequency Modulation

Phase modulation (PM) and frequency modulation (FM) are special cases of angle-modulated
signalling. In angle-modulated signalling the complex envelope is

g(t) = A’ (1.19)
Using (1.6), the resulting angle-modulated signal is
s(t) = Ac cos [we + 0(1)) (1.20)
For PM the phase is directly proportional to the modulating signal:
0(t) = Dpm(t) (1.21)

where the proportionality constant D, is the phase sensitivity of the phase modulator,
having units of radians per volt [assuming that m(¢) is a voltage waveform]. For FM the
phase is proportional to the integral of m(t):

o(t) = D; /t m(o)do (122)

00

where the frequency deviation constant Dy has units of radians/volt-second. These concepts
are summarized by the PM and FM entries in Table 1.1.

By comparing the last two equations, it is seen that if we have a PM signal modulated
by my(t), there is also FM on the signal corresponding to a different modulating waveshape

that is given by
D, [dmp(t)}

mi(t) =5~ | =

D; (1.23)

where the subscripts f and p denote frequency and phase, respectively. Similarly, if we have
an FM signal modulated by m¢(t), the corresponding phase modulation on this signal is

Dy [*
mp(t) = D—/ mys(o)do (1.24)
P J—o0

By using (1.24), a PM circuit may be used to synthesize an FM circuit by inserting an
integrator in cascade with the phase modulator input.

Other properties of PM and FM are that the real envelope, R(t) = |g(t)| = A, is a
constant, as seen from (1.19). Also, g(t) is a nonlinear function of the modulation. However,
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from (1.21) and (1.22), 6(¢) is a linear function of the modulation, m(¢). Using (1.11), the
average power dissipated by a PM or FM signal is the constant

A2

P =
L= %R,

(1.25)

That is, the average power of a PM or FM signal does not depend on the modulating
waveform, m(t).

The instantaneous frequency deviation for an FM signal from its carrier frequency is
given by the derivative of its phase 6(¢). Taking the derivative of (1.22), the peak frequency

deviation is .
AF = ED’CMP Hz (1.26)

where M, = max[m(t)] is the peak value of the modulation waveform and the derivative
has been divided by 27 to convert from radians/sec to Hz units.

For FM and PM signals, Carson’s rule estimates the transmission bandwidth containing
approximately 98% of the total power. This FM or PM signal bandwidth is

Br=2(6+1)B (1.27)

where B is bandwidth (highest frequency) of the modulation. The modulation index f3, is
8 = AF/B for FM and § = max[Dpm(t)] = D, M, for PM.

The AMPS (Advanced Mobile Phone System) analog cellular phones use FM signalling.
A peak deviation of 12 kHz is specified with a modulation bandwidth of 3 kHz. From (1.27),
this gives a bandwidth of 30 kHz for the AMPS signal and allows a channel spacing of 30 kHz
to be used. To accommodate more users, narrow-band AMPS (NAMPS) with a 5 kHz peak
deviation is used in some areas. This allows 10 kHz channel spacing if the carrier frequencies
are carefully selected to minimize interference to used adjacent channels. A maximum FM
signal power of 3 watts is allowed for the AMPS phones. However, hand-held AMPS phones
usually produce no more than 600 mW which is equivalent to 5.5 volts rms across the 50 2
antenna terminals.

The GSM (Group Special Mobile) digital cellular phones use FM with minimum
frequency-shift-keying (MSK) where the peak frequency deviation is selected to produce
orthogonal waveforms for binary one and binary zero data. (Digital phones use a speech
codec to convert the analog voice source to a digital data source for transmission over the
system.) Orthogonality occurs when AF = 1/4R where R is the bit rate (bits/sec) [1]. Ac-
tually, GSM uses Gaussian shaped MSK (GMSK). That is, the digital data waveform (with
rectangular binary one and binary zero pulses) is first filtered by a low-pass filter having a
Gaussian shaped frequency response (to attenuate the higher frequencies). This Gaussian
filtered data waveform is then fed into the frequency modulator to generate the GMSK
signal. This produces a digitally modulated FM signal with a relatively small bandwidth.

Other digital cellular standards use QPSK signalling as discussed in the next section.

1.8 QPSK Signalling

Quadrature phase-shift-keying (QPSK) is a special case of quadrature modulation as shown
in Table 1.1 where my(¢) = =1 and mgy(¢) = £1 are two binary bit streams. The complex
envelope for QPSK is

9(t) = z(t) + jy(t) = Ac [ma(t) + jma(t)]
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where z(t) = £A, and y(t) = £A.. The permitted values for the complex envelope are
illustrated by the QPSK signal constellation shown in Fig. 1.5a. The signal constellation
is a plot of the permitted values for the complex envelope, g(t). QPSK may be generated by
using the quadrature generation technique of Fig. 1.3 where the baseband signal processor
is a serial-to-parallel converter that reads in two bits of data at a time from the serial binary
input stream, m(t) and outputs the first of the two bits to z(¢) and the second bit to y(t). If
the two input bits are both binary ones, (11), then m,(t) = + A, and ma(t) = +A4,. This is
represented by the top right-hand dot for g(¢) in the signal constellation for QPSK signalling
in Fig. 1.5a. Likewise, the three other possible two-bit words, (10), (01), and (00), are also
shown. The QPSK signal is also equivalent to a four-phase phase-shift-keyed signal (4PSK)
since all the points in the signal constellation fall on a circle where the permitted phases are
0(t) = 45°, 135°, 225°, and 315°. There is no amplitude modulation on the QPSK signal
since the distances from the origin to all the signal points on the signal constellation are
equal.

For QPSK, the spectrum of g(t) is of the sinz/z type since z(t) and y(t) consists of
rectangular data pulses of value =A.. Moreover, it can be shown that for equally likely
independent binary one and binary zero data, the power spectral density of g(t) for digitally
modulated signals with M point signal constellations is [1]

B (sinﬁfETb>2
N K\ WffTb

where K is a constant, R = 1/T} is the data rate (bits/sec) of m(t) and M = 2¢. M is the
number of points in the signal constellation. For QPSK, M = 4 and ¢ = 2. This PSD for
the complex envelope, Py(f), is plotted in Fig. 1.6. The PSD for the QPSK signal (£ = 2)
is given by translating Py (f) up to the carrier frequency as indicated by (1.9).
Referring to Fig. 1.6 or using (1.28), the first-null bandwidth of g(t) is R/¢ Hz. Conse-
quently, the null-to-null bandwidth of the modulated RF signal is
2R

B = v Hz (1.29)

Py(f) (1.28)

For example, if the data rate of the baseband information source is 9600 bits/sec, then the
null-to-null bandwidth of the QPSK signal would be 9.6 Hz since £ = 2.

Referring to Fig. 1.6, it is seen that the sidelobes of the spectrum are relatively large
s0, in practice, the sidelobes of the spectrum are filtered off to prevent interference to the
adjacent channels. This filtering rounds off the edges of the rectangular data pulses and
this causes some amplitude modulation on the QPSK signal. That is, the points in the
signal constellation for the filtered QPSK signal would be fuzzy since the transition from
one constellation point to another point is not instantaneous because the filtered data pulses
are not rectangular. QPSK is the modulation used for digital cellular phones with the IS-95
Code Division Multiple Access (CDMA) standard.

Equation (1.28) and Fig. 1.6 also represent the spectrum for quadrature modulation am-
plitude modulation (QAM) signalling. QAM signalling allows more than two values for ()
and y(t). For example QAM where M = 16 has 16 points in the signal constellation with
4 values for (t) and 4 values for y(f) such as, for example, z(t) = +A., —A¢, +34., —34,
and y(t) = +A., —A¢, +34,, —3A.. This is shown in Fig. 1.5b. Each point in the M = 16
QAM signal constellation would represent a unique four-bit data word, as compared with
the M = 4 QPSK signal constellation shown in Fig. 1.5a where each point represents a
unique two-bit data word. For a R = 9600 bits/sec information source data rate, a M = 16
QAM signal would have a null-to-null bandwidth of 4.8 kHz since £ = 4.
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FIGURE 1.5  Signal constellations (permitted values of the complex envelope).

29



1-14 CHAPTER 1. COMPLEX REPRESENTATIONS FOR MODULATED SIGNALS

~

0

" sin (t_ﬂz/R) 2]

—10l-

~15l-

-201l-

/\A
-30

FIGURE 1.6 PSD for the complex envelope of MPSK and QAM where M = 2¢ and R is bit rate (positive
frequencies shown). Source: Couch, L.W.,, I1. 1997. Digital and Analog Communication Systems, 5th ed., Prentice Hall,
Upper Saddle River, NJ, p. 350. With permission.
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For OOK signalling as described at the end of Section 1.6, the signal constellation would
consist of M = 2 points along the z axis where z = 0,2A4, and y = 0. This is illustrated in
Fig. 1.5c. For a R = 9600 bit/sec information source data rate, an OOK signal would have
a null-to-null bandwidth of 19.2 kHz since £ = 1.

Defining Terms

Bandpass waveform: The spectrum of the waveform is nonzero for frequencies in
some band concentrated about a frequency f. 3> 0; f. is called the carrier fre-
quency.

Baseband waveform: The spectrum of the waveform is nonzero for frequencies near
f=0.

Complex envelope: The function g(f) of a bandpass waveform v(t) where the band-
pass waveform is described by

v(t) = Re {g(t)ej“’ct}

Fourier transform: If w(t) is a waveform, then the Fourier transform of w(t) is

W(f) = Sw(t)] = /Oo w(t)e 2"t qy

— 00

where f has units of hertz.
Modulated signal: The bandpass signal

s(t) = Re{g(t)e’*'}
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where fluctuations of g(¢) are caused by the information source such as audio,
video, or data.

Modulation: The information source, m(t), that causes fluctuations in a bandpass
signal.

Real envelope: The function R(t) = |g(t)| of a bandpass waveform v(t) where the
bandpass waveform is described by

v(t) = Re{g(t)e’'}

Signal constellation: The permitted values of the complex envelope for a digital
modulating source.
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2.1 Introduction

To transmit analog message signals, such as speech signals or video signals, by digital means,
the signal has to be converted into digital form. This process is known as analog-to-digital
conversion. The sampling process is the first process performed in this conversion, and
it converts a continuous-time signal into a discrete-time signal or a sequence of numbers.
Digital transmission of analog signals is possible by virtue of the sampling theorem, and
the sampling operation is performed in accordance with the sampling theorem.

In this chapter, using the Fourier transform technique, we present this remarkable sam-
pling theorem and discuss the operation of sampling and practical aspects of sampling.

2.2 Instantaneous Sampling

Suppose we sample an arbitrary analog signal m(¢) shown in Fig. 2.1(a) instantaneously at
a uniform rate, once every Ts seconds. As a result of this sampling process, we obtain an
infinite sequence of samples {m(nTy)}, where n takes on all possible integers. This form
of sampling is called instantaneous sampling. We refer to T, as the sampling interval,
and its reciprocal 1/Ty = f, as the sampling rate. Sampling rate (samples per second) is
often cited in terms of sampling frequency expressed in hertz.

0-8493-8597-0/99/$0.00+$.50
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FIGURE 2.1 Illustration of instantaneous sampling and sampling theorem.

2.2.1 Ideal Sampled Signal

Let m(t) be obtained by multiplication of m(t) by the unit impulse train () with period
T, [Fig. 2.1(c)], that is,

m(t)dr, (t) = m(t) i §(t — nTy)

nN=—00

Il

Mg (t)

= Z m(t)o (¢t —nTs) = Z m (nTs) 0 (t — nls) (2.1)

n=-—00 n=—oo

where we used the property of the § function, m(t)d(t — to) = m(to)d(t — to). The signal
ms(t) [Fig. 2.1(e)] is referred to as the ideal sampled signal.
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2.3. SAMPLING THEOREM 2-3

2.2.2 Band-Limited Signals

A real-valued signal m(t) is called a band-limited signal if its Fourier transform M (w)

satisfies the condition
M(w)=0 for |w| > wp (2.2)

where wy = 2nfy [Fig. 2.1(b)]. A band-limited signal specified by Eq. (2.2) is often
referred to as a low-pass signal.

2.3 Sampling Theorem

The sampling theorem states that a band-limited signal m(t) specified by Eq. (2.2) can be
uniquely determined from its values m(nTs) sampled at uniform interval Ty if Ty < m/wyr =
1/(2fn). In fact, when Ty = m/wpr, m(t) is given by

o0

m(t) = Z m (nTy)

n=—0co

sinwyy (t —nTs) (2.3)
wpr (&t —nTy)
which is known as the Nyquist—Shannon interpolation formula and it is also sometimes
called the cardinal series. The sampling interval T = 1/(2fu)is called the Nyquist interval
and the minimum rate fs = 1/Ts = 2fu is known as the Nyquist rate.

TIllustration of the instantaneous sampling process and the sampling theorem is shown in
Fig. 2.1. The Fourier transform of the unit impulse train is given by [Fig. 2.1(d)]

j:{(sTs (t)} = Ws Z 4 (UJ - ’I’st) Wg = 27T/Ts (2.4)

Then, by the convolution property of the Fourier transform, the Fourier transform M, (w)
of the ideal sampled signal m(t) is given by

M;s(w) = % M(w) * ws Z 5 (w — nws)
_ %n;mM(w—nws) (2.5)

where * denotes convolution and we used the convolution property of the §-function M (w) %
§(w — wp) = M(w — wp). Thus, the sampling has produced images of M(w) along the
frequency axis. Note that M,(w) will repeat periodically without overlap as long as ws >
2wy or fs > 2fp [Fig. 2.1(f)]. It is clear from Fig. 2.1(f) that we can recover M(w) and,
hence, m(t) by passing the sampled signal mg(t) through an ideal low-pass filter having
frequency response

o T51 !w! S Wz
H{w) = { 0, otherwise (2.6)

where wpr = 7/T,. Then
M(w) = My(w)H (w) (2.7)

Taking the inverse Fourier transform of Eq. (2.6), we obtain the impulse response h(t) of

the ideal low-pass filter as
sinwpt

h(t) = (2.8)

wmt
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2-4 CHAPTER 2. SAMPLING
Taking the inverse Fourier transform of Eq. (2.7), we obtain

mt) = my(t)* h(t)

o0

= Z m (nT,) 6 (t —nTy) *

n=--0Q

sinwpst

wypt

[oe]

_ sinwas (¢ — nTs)

n=--0Q
which is Eq. (2.3).

The situation shown in Fig. 2.1(j) corresponds to the case where f, < 2fa;. In this case
there is an overlap between M(w) and M (w —wpy). This overlap of the spectra. is known as
aliasing or foldover. When this aliasing occurs, the signal is distorted and it is impossible
to recover the original signal m(t) from the sampled signal. To avoid aliasing, in practice,
the signal is sampled at a rate slightly higher than the Nyquist rate. If f, > 2far, then
as shown in Fig. 2.1(f), there is a gap between the upper limit wys of M(w) and the lower
limit ws —was of M(w —ws). This range from wps to ws —wyy is called a guard band. As an
example, speech transmitted via telephone is generally limited to fa; = 3.3 kHz (by passing
the sampled signal through a low-pass filter). The Nyquist rate is, thus, 6.6 kHz. For digital
transmission, the speech is normally sampled at the rate f; = 8 kHz. The guard band is
then fs —2fy = 1.4 kHz. The use of a sampling rate higher than the Nyquist rate also
has the desirable effect of making it somewhat easier to design the low-pass reconstruction
filter so as to recover the original signal from the sampled signal.

2.4 Sampling of Sinusoidal Signals

A special case is the sampling of a sinusoidal signal having the frequency fr. In this case
we require that fs > 2fas rather that fs > 2fy. To see that this condition is necessary, let
fs = 2fan. Now, if an initial sample is taken at the instant the sinusoidal signal is zero, then
all successive samples will also be zero. This situation is avoided by requiring fs > 2fa.

2.5 Sampling of Bandpass Signals

A real-valued signal m(t) is called a bandpass signal if its Fourier transform M (w) satisfies
the condition
w); <w < wy

(2.10)
—Wy < w < —Wwq

M(w) =0 except for {
where w; = 27 f1 and wy = 27 fo [Fig. 2.2(a)].

The sampling theorem for a band-limited signal has shown that a sampling rate of 2f,
or greater is adequate for a low-pass signal having the highest frequency fo. Therefore,
treating m(t) specified by Eq. (2.10) as a special case of such a low-pass signal, we conclude
that a sampling rate of 2, is adequate for the sampling of the bandpass signal m(t). But
1t is not necessary to sample this fast. The minimum allowable sampling rate depends on
f1, f2, and the bandwidth fz = fo — f1.

Let us consider the direct sampling of the bandpass signal specified by Eq. (2.10). The
spectrum of the sampled signal is periodic with the period w, = 27 f,, where f, is the
sampling frequency, as in Eq. (2.4). Shown in Fig. 2.2(b) are the two right shifted spectra
of the negative side spectrum M _(w). If the recovering of the bandpass signal is achieved by
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FIGURE2.2 (a) Spectrum of a bandpass signal; (b) Shifted spectra of M-(w).

passing the sampled signal through an ideal bandpass filter covering the frequency bands
(—wsa, —w1) and (w1, ws), it is necessary that there be no aliasing problem. From Fig. 2.2(b),
it is clear that to avoid overlap it is necessary that

ws > 2(wg —wy) (2.11)
(k—Dws — w1 < wy (2.12)

and
kws — wa > wp (2.13)

where w; = 27 f1, wy = 2w fo, and k is an integer (k = 1,2,...). Since f1 = fo — fp, these
constraints can be expressed as

f2 kfs
1<k<i2<c2is 2.14
- T feT 2fB (2.14)
and Eo1f F
DT ds 42 2.15
2 fsB~ fB (215)

A graphical description of Egs. (2.14) and (2.15) is illustrated in Fig. 2.3. The unshaded
regions represent where the constraints are satisfied, whereas the shaded regions represent
the regions where the constraints are not satisfied and overlap will occur. The solid line
in Fig. 2.3 shows the locus of the minimum sampling rate. The minimum sampling rate is
given by

21

min {fs} = g (2.16)
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2-6 CHAPTER 2. SAMPLING

where m is the largest integer not exceeding fo/fp. Note that if the ratio fo/fp is an
integer, then the minimum sampling rate is 2f. As an example, consider a bandpass
signal with fi = 1.5 kHz and f, = 2.5 kHz. Here fp = fo — f1 = 1 kHz, and f5/fp = 2.5.
Then from Eq. (2.16) and Fig. 2.3 we see that the minimum sampling rate is 2f5/2 = fo =
2.5 kHz, and allowable ranges of sampling rate are 2.5 kHz < f; < 3 kHz and fs > 5 kHz
(= 2f2).

fsl s  — 7

FIGURE2.3 Minimum and permissible sampling rates for a bandpass signal.

2.6 Practical Sampling

In practice, the sampling of an analog signal is performed by means of high-speed switching
circuits, and the sampling process takes the form of natural sampling or flat-top sampling.

2.6.1 Natural Sampling

Natural sampling of a band-limited signal m(t) is shown in Fig. 2.4. The sampled signal
Mys(t) can be expressed as

Mns(t) = m(t)z,(t) (2.17)
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2.6. PRACTICAL SAMPLING 2-7

where z,(t) is the periodic train of rectangular pulses with fundamental period 7%, and each
rectangular pulse in #,(t) has duration d and unit amplitude [Fig. 2.4(b)]. Observe that
the sampled signal my(t) consists of a sequence of pulses of varying amplitude whose tops
follow the waveform of the signal m(t) [Fig. 2.4(c)].
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0 t
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FIGURE 2.4 Natural sampling.

The Fourier transform of z,(t) is

Xp(w) = Z cnd (W — nws) ws = 21 /T (2.18)

n=—0o0

where
_ d sin (nwyd/2)

on = Ty nwsd/2

Then the Fourier transform of mys(t) is given by

e Iwsd/2 (2.19)

o
Mas(w) = M(w) * Xp(w) = Y enM (w —nws) (2.20)
=00
from which we see that the effect of the natural sampling is to multiply the nth shifted
spectrum M (w —nws) by a constant ¢,. Thus, the original signal m(t) can be reconstructed

from myg(t) with no distortion by passing mng(t) through an ideal low-pass filter if the
sampling rate fs is equal to or greater than the Nyquist rate 2f.
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2-8 CHAPTER 2. SAMPLING

2.6.2 Flat-Top Sampling

The sampled waveform, produced by practical sampling devices that are the sample and
hold types, has the form [Fig. 2.5(c)]

(o]

ms(t) = Z m (nTs)p(t — nTy) (2.21)

n=—oo

where p(t) is a rectangular pulse of duration d with unit amplitude [Fig. 2.5(a)]. This
type of sampling is known as flat-top sampling. Using the ideal sampled signal m(¢) of
Eq. (2.1), mg(t) can be expressed as

o0
mes(t) = p(t) * [ Z m (nTs) 0 (t — nTy)| = p(t) * mg(t) (2.22)
n=-—00
p
I
0d ;
(a)
mt)
0 .
(®)
mfs(“)

Tl HHHH X

©
FIGURE 2.5 Flat-top sampling.

Using the convolution property of the Fourier transform and Eq. (2.4), the Fourier trans-
form of my(t) is given by
1 [ee)
Mis(w) = P(w)M,(w) = 7 :Z P(w)M (w — nws) (2.23)

n=-—00
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2.7. SAMPLING THEOREM IN THE FREQUENCY DOMAIN 2-9

where in (wd/2)
sin (w <

P(w) = d————"L" giwd/2 2.24
From Eq.(2.23) we see that by using flat-top sampling we have introduced amplitude distor-
tion and time delay, and the primary effect is an attenuation of high-frequency components.
This effect is known as the aperture effect. The aperture effect can be compensated by an
equalizing filter with a frequency response Heq(w) = 1/P(w). If the pulse duration d is
chosen such that d < T}, however, then P(w) is essentially constant over the baseband and
no equalization may be needed.

2.7 Sampling Theorem in the Frequency Domain

The sampling theorem expressed in Eq. (2.4) is the time-domain sampling theorem. There
is a dual to this time-domain sampling theorem, i.c., the sampling theorem in the frequency
domain.

Time-limited signals: A continuous-time signal m(t) is called time limited if

m(t) =0 for |t| > |To] (2.25)

Frequency-domain sampling theorem: The frequency-domain sampling theorem states
that the Fourier transform M (w) of a time-limited signal m(t) specified by Eq. (2.25) can
be uniquely determined from its values M (nws) sampled at a uniform rate w; if ws < m /To.
In fact, when wy = m/Tp, then M(w) is given by

sin T (w — nws)

Mw)= > M (nw) (2.26)

= To (w — nws)

2.8 Summary and Discussion

The sampling theorem is the fundamental principle of digital communications. We state
the sampling theorem in two parts.

THEOREM 2.1  If the signal contains no frequency higher than fy Hz, it is completely
described by specifying its samples taken at instants of time spaced 1/2fns s.

THEOREM 2.2 The signal can be completely recovered from its samples taken at the rate
of 2far samples per second or higher.

The preceding sampling theorem assumes that the signal is strictly band limited. It
is known that if a signal is band limited it cannot be time limited and vice versa. In
many practical applications, the signal to be sampled is time limited and, consequently,
it cannot be strictly band limited. Nevertheless, we know that the frequency components
of physically occurring signals attenuate rapidly beyond some defined bandwidth, and for
practical purposes we consider these signals are band limited. This approximation of real
signals by band limited ones introduces no significant error in the application of the sampling
theorem. When such a signal is sampled, we band limit the signal by filtering before
sampling and sample at a rate slightly higher than the nominal Nyquist rate.
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2-10 CHAPTER 2. SAMPLING

Defining Terms

Band-limited signal: A signal whose frequency content (Fourier transform) is equal
to zero above some specified frequency.

Bandpass signal: A signal whose frequency content (Fourier transform) is nonzero
only in a band of frequencies not including the origin.

Flat-top sampling: Sampling with finite width pulses that maintain a constant value
for a time period less than or equal to the sampling interval. The constant value
is the amplitude of the signal at the desired sampling instant.

Ideal sampled signal: A signal sampled using an ideal impulse train.

Nyquist rate: The minimum allowable sampling rate of 2, samples per second, to
reconstruct a signal band limited to fj; hertz.

Nyquist-Shannon interpolation formula: The infinite series representing a time
domain waveform in terms of its ideal samples taken at uniform intervals.

Sampling interval: The time between samples in uniform sampling.

Sampling rate: The number of samples taken per second (expressed in Hertz and
equal to the reciprocal of the sampling interval).

Time-limited: A signal that is zero outside of some specified time interval.

References

[1] Brown, J.L. Jr., First order sampling of bandpass signals—A new approach. IEEE Trans.
Information Theory, IT-26(5), 613615, 1980.

(2] Byrne, C.L. and Fitzgerald, R.M., Time-limited sampling theorem for band-limited signals,
IEEE Trans. Information Theory, IT-28(5), 807-809, 1982.

(3] Hsu, H.P, Applied Fourier Analysis, Harcourt Brace Jovanovich, San Diego, CA, 1984.

[4] Hsu, H.P, Analog and Digital Communications, McGraw-Hill, New York, 1993.

[5] Hulthén, R., Restoring causal signals by analytical continuation: A generalized sampling theorem
for causal signals. IEEE Trans. Acoustics, Speech, and Signal Processing, ASSP-31(5),
1294-1298, 1983.

[6] Jerri, A.J., The Shannon sampling theorem—Its various extensions and applications: A tutorial
review, Proc. IEEFE. 65(11), 1565-1596, 1977.

Further Information

For a tutorial review of the sampling theorem, historical notes, and earlier references see

Jerri [6].

41



Pulse Code Modulation

3.1 Introduction ..............ocooiiiiiiiiiiiiiiiii 3-1
3.2 Generation of PCM ...t 3-2
3.3 Percent Quantizing Noise...............ooooiiin 3-3
3.4 Practical PCM Circuits. ..........oooiiiiiiiiian.. 3-4
3.5 Bandwidthof PCM ... 3-6
3.6 Effects of NOise........ooovviiiiiiiiiiiiiii e 3-6
3.7 Nonuniform Quantizing: u-Law and A-Law
Companding ..........oooiiiiiiii 3-9
3.8 Example: Design of a PCM System..................... 3-11
Defining Terms. . .....ovoiieenit i, 3-12
Leon W. Couch, II REfErences .. ....vviei i 3-12
University of Florida Further Information ...........o i 3-13

3.1 Introduction

Pulse code modulation (PCM) is analog-to-digital conversion of a special type where
the information contained in the instantaneous samples of an analog signal is represented
by digital words in a serial bit stream.

If we assume that each of the digital words has n binary digits, there are M = 2™ unique
code words that are possible, each code word corresponding to a certain amplitude level.
Each sample value from the analog signal, however, can be any one of an infinite number of
levels, so that the digital word that represents the amplitude closest to the actual sampled
value is used. This is called quantizing. That is, instead of using the exact sample value
of the analog waveform, the sample is replaced by the closest allowed value, where there are
M allowed values, and each allowed value corresponds to one of the code words.

PCM is very popular because of the many advantages it offers. Some of these advantages
are as follows.

e Relatively inexpensive digital circuitry may be used extensively in the system.

e PCM signals derived from all types of analog sources (audio, video, etc.) may
be time-division multiplexed with data signals (e.g., from digital computers) and
transmitted over a common high-speed digital communication system.

1Source: Leon W. Couch, II. 1997. Digital and Analog Communication Systems, 5th ed., Prentice Hall,
Upper Saddle River, NJ. With permission.
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3-2 CHAPTER 3. PULSE CODE MODULATION

e In long-distance digital telephone systems requiring repeaters, a clean PCM wave-
form can be regenerated at the output of each repeater, where the input consists
of a noisy PCM waveform. The noise at the input, however, may cause bit errors
in the regenerated PCM output signal.

e The noise performance of a digital system can be superior to that of an analog
system. In addition, the probability of error for the system output can be reduced
even further by the use of appropriate coding techniques.

These advantages usually outweigh the main disadvantage of PCM: a much wider band-
width than that of the corresponding analog signal.

3.2 Generation of PCM

The PCM signal is generated by carrying out three basic operations: sampling, quantizing,
and encoding (see Fig. 3.1). The sampling operation generates an instantaneously-sampled
flat-top pulse~amplitude modulated (PAM) signal.

The quantizing operation is illustrated in Fig. 3.2 for the M = 8 level case. This quantizer
is said to be uniform since all of the steps are of equal size. Since we are approximating the
analog sample values by using a finite number of levels (M = 8 in this illustration), error
is introduced into the recovered output analog signal because of the quantizing effect. The
error waveform is illustrated in Fig. 3.2c. The quantizing error consists of the difference
between the analog signal at the sampler input and the output of the quantizer. Note that
the peak value of the error (1) is one-half of the quantizer step size (2). If we sample at the
Nyquist rate (258, where B is the absolute bandwidth, in hertz, of the input analog signal)
or faster and there is negligible channel noise, there will still be noise, called quantizing
noise, on the recovered analog waveform due to this error. The quantizing noise can also be
thought of as a round-off error. The quantizer output is a quantized (i.e., only M possible
amplitude values) PAM signal.

. FCM transmitter - '}
(analog-to-digital conversion) |
Bandlimited Flat-top Quantized {
Analog analog - PAM PAM PeM
_Semalin | Lowpes signal Instantaneous |  signal Quanti dgnat | | sgnal
Bandwidth = 5 | andhota 70, of levels = | "—’=
1

L

FIGURE3.1 A PCM transmitter. Source: Couch, L.W. II 1997. Digital and Analog Communication Systems, 5th ed.,
Prentice Hall, Upper Saddle River, NJ, p. 138. With permission.

The PCM signal is obtained from the quantized PAM signal by encoding each quantized
sample value into a digital word. It is up to the system designer to specify the exact code
word that will represent a particular quantized level. If a Gray code of Table 3.1 is used,
the resulting PCM signal is shown in Fig. 3.2d where the PCM word for each quantized
sample is strobed out of the encoder by the next clock pulse. The Gray code was chosen
because it has only 1-b change for each step change in the quantized level. Consequently,
single errors in the received PCM code word will cause minimum errors in the recovered
analog level, provided that the sign bit is not in error.

Here we have described PCM systems that represent the quantized analog sample values
by binary code words. Of coursg, it is possible to represent the quantized analog samples by
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FIGURE3.2 Illustration of waveforms in a PCM system. Source: Couch, L.W. II 1997. Digital and Analog Commu-
nication Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 139. With permission.

digital words using other than base 2. That is, for base ¢, the number of quantized levels
allowed is M = g™, where n is the number of ¢ base digits in the code word. We will not
pursue this topic since binary (g = 2) digital circuits are most commonly used.

3.3 Percent Quantizing Noise

The quantizer at the PCM encoder produces an error signal at the PCM decoder output as
illustrated in Fig. 3.2c. The peak value of this error signal may be expressed as a percentage
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3-4 CHAPTER 3. PULSE CODE MODULATION

TABLE3.1 3-b Gray Code for M = 8 Levels

Quantized Gray Code

Sample Word
Voltage (PCM Output)
+7 110
+5 111
+3 101
+1 100
Mirror image
except
for sign bit
-1 000
-3 001
-5 011
-7 010

Source: Couch, L.W., I1. 1997. Digital and Ana-
log Communication Systems, 5th ed., Prentice
Hall, Upper Saddle River, NJ, p. 140. With per-
mission.

of the maximum possible analog signal amplitude. Referring to Fig. 3.2c, a peak error of 1
V occurs for a maximum analog signal amplitude of M = 8 V as shown Fig. 3.1¢c. Thus, in

general,
2P 1 1

100 M 2n
~ 50
P
where P is the peak percentage error for a PCM system that uses m bit code words.
The design value of n needed in order to have less than P percent error is obtained
by taking the base 2 logarithm of both sides of Eq. (3.1), where it is realized that
logy(z) = [logyo()]/ logyo(2) = 3.3210g, (). That is,

or

2n 3.1

n > 3.32log,, <§1§) (3.2)

where n is the number of bits needed in the PCM word in order to obtain less than P
percent error in the recovered analog signal (i.e., decoded PCM signal).

3.4 Practical PCM Circuits

Three techniques are used to implement the analog-to-digital converter (ADC) encoding
operation. These are the counting or ramp, serial or successive approzimation, and parallel
or flash encoders.

In the counting encoder, at the same time that the sample is taken, a ramp generator is
energized and a binary counter is started. The output of the ramp generator is continuously
compared to the sample value; when the value of the ramp becomes equal to the sample
value, the binary value of the counter is read. This count is taken to be the PCM word.
The binary counter and the ramp generator are then reset to zero and are ready to be
reenergized at the next sampling time. This technique requires only a few components, but
the speed of this type of ADC is usually limited by the speed of the counter. The Maxim
ICL7126 CMOS ADC integrated circuit uses this technique.

The serial encoder compares the value of the sample with trial quantized values. Succes-
sive trials depend on whether the past comparator outputs are positive or negative. The
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trial values are chosen first in large steps and then in small steps so that the process will
converge rapidly. The trial voltages are generated by a series of voltage dividers that are
configured by (on-off) switches. These switches are controlled by digital logic. After the
process converges, the value of the switch settings is read out as the PCM word. This
technique requires more precision components (for the voltage dividers) than the ramp
technique. The speed of the feedback ADC technique is determined by the speed of the
switches. The National Semiconductor ADC0804 8-b ADC uses this technique.

The parallel encoder uses a set of parallel comparators with reference levels that are the
permitted quantized values. The sample value is fed into all of the parallel comparators
simultaneously. The high or low level of the comparator outputs determines the binary
PCM word with the aid of some digital logic. This is a fast ADC technique but requires
more hardware than the other two methods. The Harris CA3318 8-b ADC integrated circuit
is an example of the technique.

All of the integrated circuits listed as examples have parallel digital outputs that corre-
spond to the digital word that represents the analog sample value. For generation of PCM,
the parallel output (digital word) needs to be converted to serial form for transmission over
a two-wire channel. This is accomplished by using a parallel-to-serial converter integrated
circuit, which is also known as a serial-input-output (SIO) chip. The SIO chip includes a
shift register that is set to contain the parallel data (usually, from 8 or 16 input lines). Then
the data are shifted out of the last stage of the shift register bit by bit onto a single output
line to produce the serial format. Furthermore, the SIO chips are usually full duplex; that
is, they have two sets of shift registers, one that functions for data flowing in each direction.
One shift register converts parallel input data to serial output data for transmission over
the channel, and, simultaneously, the other shift register converts received serial data from
another input to parallel data that are available at another output. Three types of SIO
chips are available: the universal asynchronous recewer/transmitter (UART'), the universal
synchronous receiver/transmitter (USRT), and the universal synchronous/asynchronous re-
ceiver transmitter (USART). The UART transmits and receives asynchronous serial data,
the USRT transmits and receives synchronous serial data, and the USART combines both
a UART and a USRT on one chip.

At the receiving end the PCM signal is decoded back into an analog signal by using
a digital-to-analog converter (DAC) chip. If the DAC chip has a parallel data input, the
received serial PCM data are first converted to a parallel form using a SIO chip as described
in the preceding paragraph. The parallel data are then converted to an approximation of
the analog sample value by the DAC chip. This conversion is usually accomplished by
using the parallel digital word to set the configuration of electronic switches on a resistive
current (or voltage) divider network so that the analog output is produced. This is called
a multiplying DAC since the analog output voltage is directly proportional to the divider
reference voltage multiplied by the value of the digital word. The Motorola MC1408 and
the National Semiconductor DAC0808 8-b DAC chips are examples of this technique. The
DAC chip outputs samples of the quantized analog signal that approximates the analog
sample values. This may be smoothed by a low-pass reconstruction filter to produce the
analog output.

The Communications Handbook [6, pp 107-117] and The Electrical Engineering Hand-
book [5, pp. 771-782] give more details on ADC, DAC, and PCM circuits.
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3.5 Bandwidth of PCM

A good question to ask is: What is the spectrum of a PCM signal? For the case of PAM
signalling, the spectrum of the PAM signal could be obtained as a function of the spectrum
of the input analog signal because the PAM signal is a linear function of the analog signal.
This is not the case for PCM. As shown in Figs. 3.1 and 3.2, the PCM signal is a nonlinear
function of the input signal. Consequently, the spectrum of the PCM signal is not directly
related to the spectrum of the input analog signal. It can be shown that the spectrum of
the PCM signal depends on the bit rate, the correlation of the PCM data, and on the PCM
waveform pulse shape (usually rectangular) used to describe the bits [2, 3]. From Fig. 3.2,
the bit rate is

R=nf, (3.3)

where n is the number of bits in the PCM word (M = 2") and f; is the sampling rate. For
no aliasing we require fy > 2B where B is the bandwidth of the analog signal (that is to be
converted to the PCM signal). The dimensionality theorem [2, 3] shows that the bandwidth
of the PCM waveform is bounded by

1 1
Bpcy > iR = Enfs (3.4)

where equality is obtained if a (sinz)/x type of pulse shape is used to generate the PCM
waveform. The exact spectrum for the PCM waveform will depend on the pulse shape that
is used as well as on the type of line encoding. For example, if one uses a rectangular pulse
shape with polar nonreturn to zero (NRZ) line coding, the first null bandwidth is simply

Bpey = R=nf; Hz (3.5)

Table 3.2 presents a tabulation of this result for the case of the minimum sampling rate,
fs = 2B. Note that Eq. (3.4) demonstrates that the bandwidth of the PCM signal has a
lower bound given by

Bpcy > nB (3.6)

where f; > 2B and B is the bandwidth of the corresponding analog signal. Thus, for
reasonable values of n, the bandwidth of the PCM signal will be significantly larger than
the bandwidth of the corresponding analog signal that it represents. For the example shown
in Fig. 3.2 where n = 3, the PCM signal bandwidth will be at least three times wider than
that of the corresponding analog signal. Furthermore, if the bandwidth of the PCM signal
1s reduced by improper filtering or by passing the PCM signal through a system that has a
poor frequency response, the filtered pulses will be elongated (stretched in width) so that
pulses corresponding to any one bit will smear into adjacent bit slots. If this condition
becomes too serious, it will cause errors in the detected bits. This pulse smearing effect is
called intersymbol interference (IST).

3.6 Effects of Noise

The analog signal that is recovered at the PCM system output is corrupted by noise. Two
main effects produce this noise or distortion: 1) quantizing noise that is caused by the M-
step quantizer at the PCM transmitter and 2) bit errors in the recovered PCM signal. The
bit errors are caused by channel noise as well as improper channel filtering, which causes
IST. In addition, if the input analog signal is not strictly band limited, there will be some

47



3.6. EFFECTS OF NOISE 3-7

TABLE3.2 Performance of a PCM System with Uniform
Quantizing and No Channel Noise

Recovered Analog
Number of Length of Bandwidth of  Signal Power-to-

Quantizer the PCM PCM Signal Quantizing Noise
Levels Used, Word, (First Null Power Ratios (dB)
M n (bits) Bandwidth)? (S/N)out
2 1 2B 6.0
4 2 4B 12.0
8 3 6B 18.1
16 4 8B 24.1
32 5 10B 30.1
64 6 12B 36.1
128 7 14B 42.1
256 8 16B 48.2
512 9 18B 54.2
1,024 10 20B 60.2
2,048 11 22B 66.2
4,096 12 24B 72.2
8,192 13 26B 78.3
16,384 14 28B 84.3
32,768 15 30B 90.3
65,536 16 32B 96.3

2B is the absolute bandwidth of the input analog signal. Source:
Couch, L.W. 11 1997. Digital and Analog Communication Sys-
tems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 142. With
permission.

aliasing noise on the recovered analog signal [12]. Under certain assumptions, it can be
shown that the recovered analog average signal power to the average noise power [2] is

CATNS— (37)
N)ow L14+4(M2-1)P. '

where M is the number of uniformly spaced quantizer levels used in the PCM transmitter
and P, is the probability of bit error in the recovered binary PCM signal at the receiver
DAC before it is converted back into an analog signal. Most practical systems are designed
so that P, is negligible. Consequently, if we assume that there are no bit errors due to
channel noise (i.e., P, = 0), the S/N due only to quantizing errors is

S\ a2
(2) - o

Numerical values for these S/N ratios are given in Table 3.2.

To realize these S/N ratios, one critical assumption is that the peak-to-peak level of the
analog waveform at the input to the PCM encoder is set to the design level of the quantizer.
For example, referring to Fig. 3.2, this corresponds to the input traversing the range —V to
+V volts where V = 8 V is the design level of the quantizer. Equation (3.7) was derived for
waveforms with equally likely values, such as a triangle waveshape, that have a peak-to-peak
value of 2V and an rms value of V//3, where V is the design peak level of the quantizer.

From a practical viewpoint, the quantizing noise at the output of the PCM decoder can
be categorized into four types depending on the operating conditions. The four types are
overload noise, random noise, granular noise, and hunting noise. As discussed earlier, the
level of the analog waveform at the input of the PCM encoder needs to be set so that
its peak level does not exceed the design peak of V volts. If the peak input does exceed
V, the recovered analog waveform at the output of the PCM system will have flat tops
near the peak values. This produces overload noise. The flat tops are easily seen on
an oscilloscope, and the recovered analog waveform sounds distorted since the flat topping
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produces unwanted harmonic components. For example, this type of distortion can be heard
on PCM telephone systems when there are high levels such as dial tones, busy signals, or
off-hook warning signals.

The second type of noise, random noise, is produced by the random quantization errors
in the PCM system under normal operating conditions when the input level is properly set.
This type of condition is assumed in Eq. (3.8). Random noise has a white hissing sound. If
the input level is not sufficiently large, the S/N will deteriorate from that given by Eq. (3.8);
the quantizing noise will still remain more or less random.

If the input level is reduced further to a relatively small value with respect to the design
level, the error values are not equally likely from sample to sample, and the noise has a
harsh sound resembling gravel being poured into a barrel. This is called granular noise.
This type of noise can be randomized (noise power decreased) by increasing the number of
quantization levels and, consequently, increasing the PCM bit rate. Alternatively, granular
noise can be reduced by using a nonuniform quantizer, such as the y-law or A-law quantizers
that are described in Section 3.7.

The fourth type of quantizing noise that may occur at the output of a PCM system is
hunting notse. It can occur when the input analog waveform is nearly constant, including
when there is no signal (i.e., zero level). For these conditions the sample values at the quan-
tizer output (see Fig. 3.2) can oscillate between two adjacent quantization levels, causing
an undesired sinusoidal type tone of frequency 1/2f; at the output of the PCM system.
Hunting noise can be reduced by filtering out the tone or by designing the quantizer so that
there is no vertical step at the constant value of the inputs, such as at 0-V input for the
no signal case. For the no signal case, the hunting noise is also called idle channel noise.
Idle channel noise can be reduced by using a horizontal step at the origin of the quantizer
output—input characteristic instead of a vertical step as shown in Fig. 3.2.

Recalling that M = 2™, we may express Eq. (3.8) in decibels by taking 10 log,,(:) of both
sides of the equation,

v)
— = 6.02n + « (3.9)
(N dB

where n is the number of bits in the PCM word and a = 0. This equation—called the 6-dB
rule—points out the significant performance characteristic for PCM: an additional 6-dB
improvement in S/N is obtained for each bit added to the PCM word. This is illustrated in
Table 3.2. Equation (3.9) is valid for a wide variety of assumptions (such as various types
of input waveshapes and quantification characteristics), although the value of & will depend
on these assumptions [7]. Of course, it is assumed that there are no bit errors and that the
input signal level is large enough to range over a significant number of quantizing levels.
One may use Table 3.2 to examine the design requirements in a proposed PCM system.
For example, high fidelity enthusiasts are turning to digital audio recording techniques.
Here PCM signals are recorded instead of the analog audio signal to produce superb sound
reproduction. For a dynamic range of 90 dB, it is seen that at least 15-b PCM words
would be required. Furthermore, if the analog signal had a bandwidth of 20 kHz, the
first null bandwidth for rectangular bit-shape PCM would be 2 x 20 kHz x15 = 600 kHz.
Consequently, video-type tape recorders are needed to record and reproduce high-quality
digital audio signals. Although this type of recording technique might seem ridiculous at
first, it is realized that expensive high-quality analog recording devices are hard pressed to
reproduce a dynamic range of 70 dB. Thus, digital audio is one way to achieve improved
performance. This is being proven in the marketplace with the popularity of the digital
compact disk (CD). The CD uses a 16-b PCM word and a sampling rate of 44.1 kHz on
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each stereo channel [9, 10]. Reed-Solomon coding with interleaving is used to correct burst
errors that occur as a result of scratches and fingerprints on the compact disk.

3.7 Nonuniform Quantizing: y-Law and A-Law
Companding

Voice analog signals are more likely to have amplitude values near zero than at the extreme
peak values allowed. For example, when digitizing voice signals, if the peak value allowed
is 1 V, weak passages may have voltage levels on the order of 0.1 V (20 dB down). For
signals such as these with nonuniform amplitude distribution, the granular quantizing noise
will be a serious problem if the step size is not reduced for amplitude values near zero and
increased for extremely large values. This is called nonuniform quantizing since a variable
step size is used. An example of a nonuniform quantizing characteristic is shown in Fig. 3.3.

The effect of nonuniform quantizing can be obtained by first passing the analog signal
through a compression (nonlinear) amplifier and then into the PCM circuit that uses a
uniform quantizer. In the U.S., a u-law type of compression characteristic is used. It is
defined [11] by

In (1 + pfun (£)])

) (3.10)

lwa(t)] =

where the allowed peak values of w (t) are 1 (i.e., |wq ()| < 1), pis a positive constant that
is a parameter. This compression characteristic is shown in Fig. 3.3(b) for several values
of p1, and it is noted that g — 0 corresponds to linear amplification (uniform quantization
overall). In the United States, Canada, and Japan, the telephone companies use a y = 255
compression characteristic in their PCM systems [4].

Another compression law, used mainly in Europe, is the A-law characteristic. It is de-
fined [1] by

Alw: ()] 1
] Thwa 1=
lwa(t)] = o
1-+1n (A|w1(t)|) — < |w (t)l <1
1+InA AT

where |wi(t)] < 1 and A is a positive constant. The A-law compression characteristic is
shown in Fig. 3.3(c). The typical value for A is 87.6.

When compression is used at the transmitter, ezpansion (i.e., decompression) must be
used at the receiver output to restore signal levels to their correct relative values. The
ezpandor characteristic is the inverse of the compression characteristic, and the combination
of a compressor and an expandor is called a compandor.

Once again, it can be shown that the output S/N follows the 6-dB law [2]

v)
— =6.02 4+ o (3.12)
(%)., |
where for uniform quantizing
a=4.77—20log (V/&rms) (3.13)
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FIGURE3.3 Compression characteristics (first quadrant shown). Source: Couch, L.W. II 1997. Digital and Analog
Communication Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 147. With permission.

and for sufficiently large input levels? for u-law companding

a ~4.77 - 20log[ln(1 + p)) (3.14)

and for A-law companding [7]

a = 4.77 — 201og[1 + In A] (3.15)

n is the number of bits used in the PCM word, V is the peak design level of the quantizer, and
Trms Is the rms value of the input analog signal. Notice that the output § /N is a function of
the input level for the uniform quantizing (no companding) case but is relatively insensitive
to input level for p-law and A-law companding, as shown in Fig. 3.4. The ratio V/@pms s
called the loading factor. The input level is often set for a loading factor of 4 (12 dB) to

2See Lathi, 1998 for a more complicated expression that is valid for any input level.
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FIGURE3.4 Output S/N of 8-b PCM systems with and without companding. Source: Couch, LW.111997. Digital
and Analog Communication Systems, 5th ed., Prentice Hall, Upper Saddle River, NJ, p. 149. With permission.

ensure that the overload quantizing noise will be negligible. In practice this gives o = —7.3
for the case of uniform encoding as compared to o = 0, which was obtained for the ideal
conditions associated with Eq. (3.8).

3.8 Example: Design of a PCM System

Assume that an analog voice-frequency signal, which occupies a band from 300 to 3400 Hz,
is to be transmitted over a binary PCM system. The minimum sampling frequency would
be 2 x 3.4 = 6.8 kHz. In practice the signal is oversampled, and in the U.S. a sampling
frequency of 8 kHz is the standard used for voice-frequency signals in telephone communi-
cation systems. Assume that each sample value is represented by 8 b; then the bit rate of
the PCM signal is

R = (fs samples/s)(n b/s)
(8 k samples/s)(8 b/s) = 64 kb/s (3.16)
Referring to the dimensionality theorem [Eq. (3.4)], we realize that the theoretically mini-
mum absolute bandwidth of the PCM signal is

1
Brin = ED =32 kHz (3.17)

and this is realized if the PCM waveform consists of (sinz)/z pulse shapes. If rectangular
pulse shaping is used, the absolute bandwidth is infinity, and the first null bandwidth
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By =R = 1 =64 kHz (3.18)
Ty

That is, we require a bandwidth of 64 kHz to transmit this digital voice PCM signal where

the bandwidth of the original analog voice signal was, at most, 4 kIlz. Using n = 8 in

Eq. (3.1), the error on the recovered analog signal is #0.2%. Using Egs. (3.12) and (3.13)

for the case of uniform quantizing with a loading factor, V/Zyys, of 10 (20 dB), we get for

uniform quantizing

v)
=) =329 dB (3.19)
<N dB

Using Eqgs. (3.12) and (3.14) for the case of 1 = 255 companding, we get

(%) = 38.05 dB (3.20)

These results are illustrated in Fig. 3.4.

Defining Terms

Intersymbol interference: Filtering of a digital waveform so that a pulse corre-
sponding to 1 b will smear (stretch in width) into adjacent bit slots.

Pulse amplitude modulation: An analog signal is represented by a train of pulses
where the pulse amplitudes are proportional to the analog signal amplitude.

Pulse code modulation: A serial bit stream that consists of binary words which
represent quantized sample values of an analog signal.

Quantizing: Replacing a sample value with the closest allowed value.
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Further Information

Many practical design situations and applications of PCM transmission via twisted-pair T-1
telephone lines, fiber optic cable, microwave relay, and satellite systems are given in [2] and

3].
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Many physical communications channels, such as radio channels, accept a continuous-time
waveform as input. Consequently, a sequence of source bits, representing data or a digitized
analog signal, must be converted to a continuous-time waveform at the transmitter. In
general, each successive group of bits taken from this sequence is mapped to a particular
continuous-time pulse. In this chapter we discuss the basic principles involved in selecting
such a pulse for channels that can be characterized as linear and time invariant with finite
bandwidth.

4.1 Communications System Model

Figure 4.1a shows a simple block diagram of a communications system. The sequence of
source bits {b;} are grouped into sequential blocks (vectors) of m bits {b;}, and each binary
vector b; is mapped to one of 2™ pulses, p(b;;t), which is transmitted over the channel.

0-8493-8597-0/99/$0.00+$.50
® 1999 by CRC Press LLC 4-1
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4-2 CHAPTER 4. BASEBAND SIGNALLING AND PULSE SHAPING
The transmitted signal as a function of time can be written as

s(t) = p(bsst —iT) (4.1

where 1/T is the rate at which each group of m bits, or pulses, is introduced to the channel.
The information (bit) rate is therefore m/T.

i b;}| Select Puls t | r n Ty,
—-{I.)'} Serial-to-Parallel ——[ i}] Select Pulse _—s() Channel _’x() et.:elver A2 @) ﬁ{_) },
bits pb; 1) Filter

Figure4.la Communication system model. The source bits are grouped into binary vectors, which are mapped to
a sequence of pulse shapes.

n(t)

s(t) G(f) : ;\ x(1)

Figure 4.1b  Channel model consisting of a linear, time-invariant system (transfer function) followed by additive

noise.

The channel in Fig. 4.1a can be a radio link, which may distort the input signal s(t) in a
variety of ways. For example, it may introduce pulse dispersion (due to finite bandwidth)
and multipath, as well as additive background noise. The output of the channel is denoted
as z(t), which is processed by the receiver to determine estimates of the source bits. The
receiver can be quite complicated; however, for the purpose of this discussion, it is sufficient
to assume only that it contains a front-end filter and a sampler, as shown in Fig. 4.1a. This
assumption is valid for a wide variety of detection strategies. The purpose of the receiver
filter is to remove noise outside of the transmitted frequency band and to compensate for
the channel frequency response.

A commonly used channel model is shown in Fig. 4.1b and consists of a linear, time-
invariant filter, denoted as G(f), followed by additive noise n(t). The channel output is,
therefore,

z(t) = [g(t) * s(t)] + n(t) (4.2)
where g(t) is the channel impulse response associated with G(f), and the asterisk denotes

convolution,
o

g(t) * s(t) = / gt —7)s(r)dr

— 00
This channel model accounts for all linear, time-invariant channel impairments, such as
finite bandwidth and time-invariant multipath. It does not account for time-varying im-
pairments, such as rapid fading due to time-varying multipath. Nevertheless, this model
can be considered valid over short time periods during which the multipath parameters
remain constant.

In Figs. 4.1a, and 4.1b, it is assumed that all signals are baseband signals, which means
that the frequency content is centered around f = 0 (DC). The channel passband, therefore,
partially coincides with the transmitted spectrum. In general, this condition requires that
the transmitted signal be modulated by an appropriate carrier frequency and demodulated
at the receiver. In that case, the model in Figs. 4.1a, and 4.1b still applies; however,
baseband-equivalent signals must be derived from their modulated (passband) counterparts.
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Baseband signalling and pulse shaping refers to the way in which a group of source bits is
mapped to a baseband transmitted pulse.

As a simple example of baseband signalling, we can take m = 1 (map each source bit to
a pulse), assign a 0 bit to a pulse p(t), and a 1 bit to the pulse —p(t). Perhaps the simplest
example of a baseband pulse is the rectangular pulse given by p(t) = 1, 0 <t < T, and
p(t) = 0 elsewhere. In this case, we can write the transmitted signal as

s(t) = Z A;p(t —iT) (4.3)

where each symbol A; takes on a value of +1 or —1, depending on the value of the ith bit,
and 1/T is the symbol rate, namely, the rate at which the symbols A; are introduced to the
channel.

The preceding example is called binary pulse amplitude modulation (PAM), since
the data symbols A; are binary valued, and they amplitude modulate the transmitted pulse
p(t). The information rate (bits per second) in this case is the same as the symbol rate
1/T. As a simple extension of this signalling technique, we can increase m and choose
A; from one of M = 2™ values to transmit at bit rate m/7. This is known as M-ary
PAM. For example, letting m = 2, each pair of bits can be mapped to a pulse in the set
{p(t), —p(t), 3p(t)’ _3p(t)}-

In general, the transmitted symbols {4;}, the baseband pulse p(t), and channel impulse
response g(t) can be complez valued. For example, each successive pair of bits might select a
symbol from the set {1, —1, §, —j}, where j = v/—1. This is a consequence of considering the
baseband equivalent of passband modulation. (That is, generating a transmitted spectrum
which is centered around a carrier frequency f..) Here we are not concerned with the
relation between the passband and baseband equivalent models and simply point out that
the discussion and results in this chapter apply to complex-valued symbols and pulse shapes.

As an example of a signalling technique which is not PAM, let m =1 and

V2sin(2rfit) 0<t<T
pO;t) = { 0 elsewhere "y
V2sin(2nfot) 0<t<T “d
p(1;t) =
0 elsewhere

where f1 and fy # f1 are fixed frequencies selected so that fiT and fo7" (number of cycles
for each bit) are multiples of 1/2. These pulses are orthogonal, namely,

/Tp(l;t)p(O;t)dt =0
0

This choice of pulse shapes is called binary frequency-shift keying (FSK).

Another example of a set of orthogonal pulse shapes for m = 2 bits/T" is shown in Fig. 4.2.
Because these pulses may have as many as three transitions within a symbol period, the
transmitted spectrum occupies roughly four times the transmitted spectrum of binary PAM
with a rectangular pulse shape. The spectrum is, therefore, spread across a much larger
band than the smallest required for reliable transmission, assuming a data rate of 2/T". This
type of signalling is referred to as spread-spectrum. Spread-spectrum signals are more
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FIGURE4.2 TFour orthogonal spread-spectrum pulse shapes.

robust with respect to interference from other transmitted signals than are narrowband
signals.!

4.2 Intersymbol Interference and the Nyquist Criterion

Consider the transmission of a PAM signal illustrated in Fig. 4.3. The source bits {b;}
are mapped to a sequence of levels {A;}, which modulate the transmitter pulse p(t). The
channel input is, therefore, given by Eq. (4.3) where p(t) is the impulse response of the
transmitter pulse-shaping filter P(f) shown in Fig. 4.3. The input to the transmitter filter
P(f) is the modulated sequence of delta functions 3, A;6(¢t—iT"). The channel is represented
by the transfer function G(f) (plus noise), which has impulse response g(t), and the receiver
filter has transfer function R(f) with associated impulse response r(t).

n(t)

{B:}

bits

Select

{A;}

Transmitter Filter

s()

Channel
G(f)

x(1),

Receiver Filter

R(S)

0 i)

Level T P(f)

FIGURE4.3 Baseband model of a pulse amplitude modulation system.

Let h(t) be the overall impulse response of the combined transmitter, channel, and
receiver, which has transfer function H(f) = P(f)G(f)R(f). We can write h(t)
p(t) * g(t) xr(t). The output of the receiver filter is then

y(t) = Aih(t — iT) + 7i(t)

7

(4.5)

where 7i(t) = r(t) * n(t) is the output of the filter R(f) with input n(t). Assuming that
samples are collected at the output of the filter R(f) at the symbol rate 1/T, we can write

1 This example can also be viewed as coded binary PAM. Namely, each pair of two source bits are mapped
to 4 coded bits, which are transmitted via binary PAM with a rectangular pulse. The current IS-95 air
interface uses an extension of this signalling method in which groups of 6 b are mapped to 64 orthogonal
pulse shapes with as many as 63 transitions during a symbol.
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the kth sample of y(t) as

y(kT) = > Ah(kT —iT)+#(kT)
= Ach(0) + Y Ah(kT —iT) + Ai(kT) (4.6)
ik

The first term on the right-hand side of Eq. (4.6) is the kth transmitted symbol scaled by the
system impulse response at ¢ = 0. If this were the only term on the right side of Eq. (4.6),
we could obtain the source bits without error by scaling the received samples by 1/h(0).
The second term on the right-hand side of Eq. (4.6) is called intersymbol interference,
which reflects the view that neighboring symbols interfere with the detection of each desired
symbol.

One possible criterion for choosing the transmitter and receiver filters is to minimize
intersymbol interference. Specifically, if we choose p(t) and r(t) so that

1 k=0
h(kT) = { 0 k£0 (4.7)
then the kth received sample is
y(kT) = Ax + 7(kT) (4.8)

In this case, the intersymbol interference has been eliminated. This choice of p(t) and r(t)
is called a zero-forcing solution, since it forces the intersymbol interference to zero. De-
pending on the type of detection scheme used, a zero-forcing solution may not be desirable.
This is because the probability of error also depends on the noise intensity, which generally
increases when intersymbol interference is suppressed. It is instructive, however, to examine
the properties of the zero-forcing solution.

We now view Eq. (4.7) in the frequency domain. Since h(t) has Fourier transform

H(f) = P(H)G(FR(]) (4.9)

where P(f) is the Fourier transform of p(t), the bandwidth of H(f) is limited by the
bandwidth of the channel G(f). We will assume that G(f) = 0, |f| > W. The sampled
impulse response h(kT') can, therefore, be written as the inverse Fourier transform

w
h(kT) = /_ . H(f)e*mI*T qf

Through a series of manipulations, this integral can be rewritten as an inverse discrete
Fourier transform,

1/(27)

hMET) =T / Heq (e72mT) 2 IR g f (4.10a)
~1/(21)
where
Hoq(e72™1) = 1 S H(f+ &
eq T £ T
1 k k k
= T;P(Hf)c:(HT)R(Hf) (4.10b)
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This relation states that Heq(2), z = €/2™f7T  is the discrete Fourier transform of the sequence
{hx}, where hy = h(kT). Sampling the impulse response h(t) therefore changes the transfer
function H(f) to the aliased frequency response Heq(e/2"/T). From Egs. (4.10), and (4.6)
we conclude that Heq(2) is the transfer function that relates the sequence of input data
symbols {4;} to the sequence of received samples {y;}, where y; = y(iT), in the absence
of noise. This is illustrated in Fig. 4.4. For this reason, H.y(2) is called the equivalent
discrete-time transfer function for the overall system transfer function H (.

{n;}

- - - {Ad - —"'{}’i} - - - -

FIGURE4.4  Equivalent discrete-time channel for the PAM system shown in Fig. 4.3 [y; = y(¢T"), 7i; = 7(i7"))

Since Heq(e/2™/T) is the discrete Fourier transform of the sequence {hi}, the time-domain,
or sequence condition (4.7) is equivalent to the frequency-domain condition

Heq (e2™T) =1 (4.11)

This relation is called the Nyquist criterion. From Eqgs. (4.10b) and (4.11) we make the
following observations.

1. To satisfy the Nyquist criterion, the channel bandwidth W must be at least
1/(2T). Otherwise, G(f +n/T) = 0 for f in some interval of positive length for
all n, which implies that Heq(e/2™/T) = 0 for f in the same interval.

2. For the minimum bandwidth W = 1/(2T), Eqgs. (4.10b) and (4.11) imply that
H(f) = T for |f| < 1/(2T) and H(f) = 0 elsewhere. This implies that the
system impulse response is given by

_ sin(wt/T)

Alt) nt)T

(4.12)
(Since [0 h*(t)dt = T, the transmitted signal s(t) = 3, A;h(t — iT)

has power equal to the symbol variance E[|4;]?].) The impulse response in

Eq. (4.12) is called a minimum bandwidth or Nyquist pulse. The frequency band
[—1/(2T),1/(2T)] [i-e., the passband of H(f)] is called the Nyquist band.

3. Suppose that the channel is bandlimited to twice the Nyquist bandwidth. That
is, G(f) = 0 for |f| > 1/T. The condition (4.11) then becomes

H(f)+H(f—%>+H(f+%)=T (4.13)

Assume for the moment that H(f) and h(t) are both real valued, so that H(f)
is an even function of f[H(f) = H(—f)]. This is the case when the receiver filter
is the matched filter (see Section 4.3). We can then rewrite Eq. (4.13) as

1 1
H(f)—{-H(f—f):T, 0<f <57 (4.14)

which states that H(f) must have odd symmetry about f = 1/(2T). This is
illustrated in Fig. 4.5, which shows two different transfer functions H (f) that
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4.2. INTERSYMBOL INTERFERENCE AND THE NYQUIST CRITERION 4-7

satisfy the Nyquist criterion.

4. The pulse shape p(t) enters into Eq. (4.11) only through the product P(f)R(f).
Consequently, either P(f) or R(f) can be fixed, and the other filter can be
adjusted or adapted to the particular channel. Typically, the pulse shape p(t) is
fixed, and the receiver filter is adapted to the (possibly time-varying) channel.

H(f) AH(f)
! [ ' e e I
1 (AN ) |
L - -l -
1 1 f 1 1
Tar ar “ar T

FIGURE 4.5 Two examples of frequency responses that satisfy the Nyquist criterion.

4.2.1 Raised Cosine Pulse

Suppose that the channel is ideal with transfer function

L fl<W
G(f) = (4.15)
0, |fI>wW

To maximize bandwidth efficiency, Nyquist pulses given by Eq. (4.12) should be used where
W = 1/(2T'). This type of signalling, however, has two major drawbacks. First, Nyquist
pulses are noncausal and of infinite duration. They can be approximated in practice by
introducing an appropriate delay, and truncating the pulse. The pulse, however, decays
very slowly, namely, as 1/, so that the truncation window must be wide. This is equivalent
to observing that the ideal bandlimited frequency response given by Eq. (4.15) is difficult to
approximate closely. The second drawback, which is more important, is the fact that this
type of signalling is not robust with respect to sampling jitter. Namely, a small sampling
offset & produces the output sample

nlr(k —i+¢/T)]
n(k —i+¢e/T)

ykT +¢) = Z A; s (4.16)

Since the Nyquist pulse decays as 1/t, this sum is not guaranteed to converge. A particular
choice of symbols {A;} can, therefore, lead to very large intersymbol interference, no matter
how small the offset. Minimum bandwidth signalling is therefore impractical.

The preceding problem is generally solved in one of two ways in practice:

1. The pulse bandwidth is increased to provide a faster pulse decay than 1/t.
2. A controlled amount of intersymbol interference is introduced at the transmitter,

which can be subtracted out at the receiver.

The former approach sacrifices bandwidth efficiency, whereas the latter approach sacrifices
power efficiency. We will examine the latter approach in Section 4.5. The most common
example of a pulse, which illustrates the first technique, is the raised cosine pulse, given

) _ [sin(xt/T)] [_cos(omt/T)
h(t) [ nt)T ][1—(2at/T)2]

(4.17)
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which has Fourier transform

11—«
T 0<Ifl< =5
T T 1- 1- 14
a4 e (101-50)]} S cmn< e w1s)
14+«
0 71> =

where 0 < a < 1.

-Plots.of p(t) and P(f) are-shown in Figs. 4.6a, -and 4.6b for different values of a.- It is
easily verified that h(t) satisfies the Nyquist criterion (4.7) and, consequently, H(f) satisfies
Eq. (4.11). When a = 0, H(f) is the Nyquist pulse with minimum bandwidth 1/(2T"), and
when a > 0, H(f) has bandwidth (1 4+ «)/(2T) with a raised cosine rolloff. The parameter
o, therefore, represents the additional, or excess bandwidth as a fraction of the minimum
bandwidth 1/(27T"). For example, when a = 1, we say that the pulse is a raised cosine
pulse with 100% excess bandwidth. This is because the pulse bandwidth 1/T is twice the
minimum bandwidth. Because the raised cosine pulse decays as 1/t2, performance is robust
with respect to sampling offsets.

The raised cosine frequency response (4.18) applies to the combination of transmitter,
channel, and receiver. If the transmitted pulse shape p(t) is a raised cosine pulse, then
h(t) is a raised cosine pulse only if the combined receiver and channel frequency response
is constant. Even with an ideal (transparent) channel, however, the optimum (matched)
receiver filter response is generally not constant in the presence of additive Gaussian noise.
An alternative is to transmit the square-root raised cosine pulse shape, which has frequency
response P(f) given by the square-root of the raised cosine frequency response in Eq. (4.18).
Assuming an ideal channel, setting the receiver frequency response R(f) = P(f) then results
in an overall raised cosine system response H(f).

4.3 Nyquist Criterion with Matched Filtering

Consider the transmission of an isolated pulse Agd(¢). In this case the input to the receiver
in Fig. 4.3 is

z(t) = Aog(t) + n(t) (4.19)
where §(t) is the inverse Fourier transform of the combined transmitter-channel transfer

function G(f) = P(f)G(f). We will assume that the noise n(t) is white with spectrum
Ny/2. The output of the receiver filter is then

y(t) = r(t) * z(t) = Ao[r(t) * §(t)] + [r(t) * n(t)] (4.20)

The first term on the right-hand side is the desired signal, and the second term is noise.
Assuming that y(t) is sampled at ¢ = 0, the ratio of signal energy to noise energy, or
signal-to-noise ratio (SNR) at the sampling instant, is

2

Elao]| [ r-vatat
% /oo ()2 dt

—00

SNR =

(4.21)
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Figure4.6a  Raised cosine pulse.
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Figure 4.6b  Raised cosine spectrum.

The receiver impulse response that maximizes this expression is r(¢) = §*(—t) [complex
conjugate of §(—t)], which is known as the matched filter impulse response. The associated
transfer function is R(f) = G*(f).

Choosing the receiver filter to be the matched filter is optimal in more general situa-
tions, such as when detecting a sequence of channel symbols with intersymbol interference
(assuming the additive noise is Gaussian). We, therefore, reconsider the Nyquist criterion
when the receiver filter is the matched filter. In this case, the baseband model is shown in
Fig. 4.7, and the output of the receiver filter is given by

y(t) =Y Aih(t —iT) + i(t) (4.22)

7
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where the baseband pulse h(t) is now the impulse response of the filter with transfer function
|G(F)I* = |P(f)G(f)|?. This impulse response is the autocorrelation of the impulse response
of the combined transmitter-channel filter G(f),

(e o]
h(t) = / §(9)5(s + 1) ds (4.23)
-0
n(t) )
{A;} | Transmitter Filter | s(#)| Channel ;(t) Receiver Filter () %T{ y,»!

b 1 PNy -G G P

FIGURE 4.7 Baseband PAM model with a matched filter at the receiver.

With a matched filter at the receiver, the equivalent discrete-time transfer function is
. 1 = k
2 fT _ v
Ha( @) = 13| (r-7)
1 k k
— — P —_—— — —
rxlp(r-1)e(r-1)

which relates the sequence of transmitted symbols {Ax} to the sequence of received samples
{yx} in the absence of noise. Note that He,(e’?™T) is positive, real valued, and an even
function of f. If the channel is bandlimited to twice the Nyquist bandwidth, then H(f) =0
for | f| > 1/T, and the Nyquist condition is given by Eq. (4.14) where H(f) = |G(f)P(f)|?.
The aliasing sum in Eq. (4.10b) can therefore be described as a folding operation in which
the channel response |H(f)|? is folded around the Nyquist frequency 1/(2T"). For this
reason, Heq(e?™/T) with a matched receiver filter is often referred to as the folded channel
spectrum.

2

2
(4.24)

4.4 Eye Diagrams

One way to assess the severity of distortion due to intersymbol interference in a digital
communications system is to examine the eye diagram. The eye diagram is illustrated in
Figs. 4.8a and 4.8b, for a raised cosine pulse shape with 25% excess bandwidth and an ideal
bandlimited channel. Figure 4.8a shows the data signal at the receiver

y(t) = > Ash(t —iT) +a(t) (4.25)

where h(t) is given by Eq. (4.17), o = 1/4, each symbol 4; is independently chosen from the
set {£1,43}, where each symbol is equally likely, and 7(t) is bandlimited white Gaussian
noise. (The received SNR is 30 dB.) The eye diagram is constructed from the time-domain
data signal y(t) as follows (assuming nominal sampling times at k7, k = 0,1,2,...):

1. Partition the waveform y(t) into successive segments of length T starting from
t=1T/2.

2. Translate each of these waveform segments [y(¢t), (k + 1/2)T <t < (k+ 3/2)T,
k =0,1,2,...] to the interval [—7/2,7/2], and superimpose.
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1
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Figure 4.8a Received signal y(t).

-0.5 0 0.5

Figure 4.8b  Eye diagram for received signal shown in Fig. 4.8a.

The resulting picture is shown in Fig. 4.8b for the y(t) shown in Fig. 4.8a. (Partitioning
y(t) into successive segments of length T, 7 > 1, is also possible. This would result in
i successive eye diagrams.) The number of eye openings is one less than the number of
transmitted signal levels. In practice, the eye diagram is easily viewed on an oscilloscope by
applying the received waveform y(t) to the vertical deflection plates of the oscilloscope and
applying a sawtooth waveform at the symbol rate 1/T" to the horizontal deflection plates.
This causes successive symbol intervals to be translated into one interval on the oscilloscope
display.

Each waveform segment y(t), (k + 1/2)T < t < (k+ 3/2)T, depends on the particular
sequence of channel symbols surrounding Ag. The number of channel symbols that affects a
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particular waveform segment depends on the extent of the intersymbol interference, shown
in Eq. (4.6). This, in turn, depends on the duration of the impulse response h(t). For
example, if h(t) has most of its energy in the interval 0 < t < mT, then each waveform
segment depends on approximately m symbols. Assuming binary transmission, this implies
that there are a total of 2 waveform segments that can be superimposed in the eye diagram.
(It is possible that only one sequence of channel symbols causes significant intersymbol
interference, and this sequence occurs with very low probability.) In current digital wireless
applications the impulse response typically spans only a few symbols.

The eye diagram has the following important features which measure the performance of
a digital communications system.

4.4.1 Vertical Eye Opening

The vertical openings at any time ¢y, —~T/2 < to < T/2, represent the separation between
signal levels with worst-case intersymbol interference, assuming that y(t) is sampled at
times ¢ = KT +to, k = 0,1,2,... . It is possible for the intersymbol interference to be
large enough so that this vertical opening between some, or all, signal levels disappears
altogether. In that case, the eye is said to be closed. Otherwise, the eye is said to be open.
A closed eye implies that if the estimated bits are obtained by thresholding the samples
y(kT), then the decisions will depend primarily on the intersymbol interference rather than
on the desired symbol. The probability of error will, therefore, be close to 1 /2. Conversely,
wide vertical spacings between signal levels imply a large degree of immunity to additive
noise. In general, y(t) should be sampled at the times kT + to, k = 0,1,2,... , where £, is
chosen to maximize the vertical eye opening.

4.4.2 Horizontal Eye Opening

The width of each opening indicates the sensitivity to timing offset. Specifically, a very
narrow eye opening indicates that a small timing offset will result in sampling where the
eye is closed. Conversely, a wide horizontal opening indicates that a large timing offset can
be tolerated, although the error probability will depend on the vertical opening.

4.4.3 Slope of the Inner Eye

The slope of the inner eye indicates sensitivity to timing jitter or variance in the timing
offset. Specifically, a very steep slope means that the eye closes rapidly as the timing offset
increases. In this case, a significant amount of jitter in the sampling times significantly
increases the probability of error.

The shape of the eye diagram is determined by the pulse shape. In general, the faster
the baseband pulse decays, the wider the eye opening. For example, a rectangular pulse
produces a box-shaped eye diagram (assuming binary signalling). The minimum bandwidth
pulse shape Eq. (4.12) produces an eye diagram which is closed for all ¢ except for ¢ = 0. This
is because, as shown earlier, an arbitrarily small timing offset can lead to an intersymbol
interference term that is arbitrarily large, depending on the data sequence.

4.5 Partial-Response Signalling

To avoid the problems associated with Nyquist signalling over an ideal bandlimited channel,
bandwidth and/or power efficiency must be compromised. Raised cosine pulses compromise
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bandwidth efficiency to gain robustness with respect to timing errors. Another possibility is
to introduce a controlled amount of intersymbol interference at the transmitter, which can
be removed at the receiver. This approach is called partial-response (PR) signalling,.
The terminology reflects the fact that the sampled system impulse response does not have
the full response given by the Nyquist condition Eq. (4.7).

To illustrate PR signalling, suppose that the Nyquist condition Eq. (4.7) is replaced by

the condition
1 k=0,1
h, = { 0 all other % (426)

The kth received sample is then
Yo = A + Ap—1 + T (4.27)

so that there is intersymbol interference from one neighboring transmitted symbol. For
now we focus on the spectral characteristics of PR, signalling and defer discussion of how
to detect the transmitted sequence {A} in the presence of intersymbol interference. The
equivalent discrete-time transfer function in this case is the discrete Fourier transform of
the sequence in Eq. (4.26),

A 1 k
Ha(@™ ) = 3 H(7+ 1)
T & T
= 1+ 92T = 2¢7I™IT cog(n fT) (4.28)

As in the full-response case, for Eq. (4.28) to be satisfied, the minimum bandwidth of the
channel G(f) and transmitter filter P(f) is W = 1/(2T). Assuming P(f) has this minimum
bandwidth implies

e=I™IT cos(m
HF) = { 2T cos(mw fT) |f] < 1/(2T) (4298)
0 [f1>1/(2T)
and
h(t) = T{ sinc (¢/T)+ sinc [(¢t-T)/T]} (4.29b)

where sinc z = (sinwz)/(wz). This pulse is called a duobinary pulse and is shown along
with the associated H(f) in Fig. 4.9. [Notice that h(t) satisfies Eq. (4.26).] Unlike the ideal
bandlimited frequency response, the transfer function H(f) in Eq. (4.29a) is continuous and
is, therefore, easily approximated by a physically realizable filter. Duobinary PR was first
proposed by Lender, (7], and later generalized by Kretzmer, [6].

The main advantage of the duobinary pulse Eq. (4.29b), relative to the minimum band-
width pulse Eq. (4.12), is that signalling at the Nyquist symbol rate is feasible with zero
excess bandwidth. Because the pulse decays much more rapidly than a Nyquist pulse, it
is robust with respect to timing errors. Selecting the transmitter and receiver filters so
that the overall system response is duobinary is appropriate in situations where the chan-
nel frequency response G(f) is near zero or has a rapid rolloff at the Nyquist band edge

f=1/(27).
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FIGURE4.9 Duobinary frequency response and minimum bandwidth pulse.

As another example of PR signalling, consider the modified duobinary partial response

1 k=-1
hy = -1 k=1 (4.30)
0 all other k

which has equivalent discrete-time transfer function

Heq (ej2ﬂfT) — i2mfT _ g~j2nfT

j2sin(2n fT) (431)

Il

With zero excess bandwidth, the overall system response is
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j2Tsin(2nfT)  |f] < 1/(2T)
H(f)= { . 1> 1/(T) (4.32a)
and
h(t) = T{sinc [(t+ T)/T]—sinc [(t —T)/T]} (4.32b)

These functions are plotted in Fig. 4.10. This pulse shape is appropriate when the channel
response G(f) is near zero at both DC (f = 0) and at the Nyquist band edge. This is often
the case for wire (twisted-pair) channels where the transmitted signal is coupled to the
channel through a transformer. Like duobinary PR, modified duobinary allows minimum
bandwidth signalling at the Nyquist rate.

A particular partial response is often identified by the polynomial

K
> D"
k=0

where D (for delay) takes the place of the usual z~! in the z transform of the sequence
{h}. For example, duobinary is also referred to as 1 + D partial response.

In general, more complicated system responses than those shown in Figs. 4.9 and 4.10 can
be generated by choosing more nonzero coefficients in the sequence {hx}. This complicates
detection, however, because of the additional intersymbol interference that is generated.

Rather than modulating a PR, pulse h(t), a PR signal can also be generated by filtering
the sequence of transmitted levels {A;}. This is shown in Fig. 4.11. Namely, the trans-
mitted levels are first passed through a discrete-time (digital) filter with transfer function
P,(e72mIT) (where the subscript d indicates discrete). [Note that Py(e?*"/T) can be selected
to be Heq(e??"fT).] The outputs of this filter form the PAM signal, where the pulse shaping
filter P(f) = 1, |f| < 1/(2T) and is zero elsewhere. If the transmitted levels {A} are
selected independently and are identically distributed, then the transmitted spectrum is
0%|Pa(e?*IT))? for | f| < 1/(2T) and is zero for |f| > 1/(2T), where 03 = E[|Ax|?].

Shaping the transmitted spectrum to have nulls coincident with nulls in the channel
response potentially offers significant performance advantages. By introducing intersymbol
interference, however, PR signalling increases the number of received signal levels, which
increases the complexity of the detector and may reduce immunity to noise. For example, the
set of received signal levels for duobinary signalling is {0,+ 2} from which the transmitted
levels {+ 1} must be estimated. The performance of a particular PR scheme depends on
the channel characteristics, as well as the type of detector used at the receiver. We now
describe a simple suboptimal detection strategy.

4.5.1 Precoding

Consider the received signal sample Eq. (4.27) with duobinary signalling. If the receiver
has correctly decoded the symbol Ak._1, then in the absence of noise Ax can be decoded by
subtracting Ax_1 from the received sample yx. If an error occurs, however, then subtracting
the preceding symbol estimate from the received sample will cause the error to propagate to
successive detected symbols. To avoid this problem, the transmitted levels can be precoded
in such a way as to compensate for the intersymbol interference introduced by the overall
partial response.
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FIGURE 4.10 Modified duobinary frequency response and minimum bandwidth pulse.
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FIGURE4.11  Generation of PR signal.
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FIGURE4.12 Precoding for a PR channel.

We first illustrate precoding for duobinary PR. The sequence of operations is illustrated
in Fig. 4.12. Let {bx} denote the sequence of source bits where by € {0,1}. This sequence
is transformed to the sequence {b},} by the operation

% = br ®bj_, (4.33)
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TABLE4.1 Example of Precoding for Duobinary PR.

{b:}: 1 0 0 1 1 10
{¥;}: 0 1 1 1 0 1 0 1 1
{4 -1 1 1 1 -1 1 -1 -1 -1 1 1
{yi}: 0o 2 2 0 0 0 -2 -2 0 2

where @ denotes modulo 2 addition (exclusive OR). The sequence {b}.} is mapped to the
sequence of binary transmitted signal levels {Ax} according to

Ay = 20, — 1 (4.34)

That is, b, = 0 (b}, = 1) is mapped to the transmitted level Ay = —~1 (A5 = 1). In the
absence of noise, the received symbol is then

Y = A+ Ag—1 =2 (b;C + b;c—l - ].) (4.35)
and combining Egs. (4.33) and (4.35) gives

1
b = <§yk + 1> mod 2 (4.36)

That is, if yx = &2, then by, = 0, and if y, = 0, then by = 1. Precoding, therefore, enables
the detector to make symbol-by-symbol decisions that do not depend on previous decisions.
Table 4.1 shows a sequence of transmitted bits {b;}, precoded bits {b}}, transmitted signal
levels {A;}, and received samples {y;}.

The preceding precoding technique can be extended to multilevel PAM and to other PR
channels. Suppose that the PR is specified by

K
Heq(D) =Y hyD*
k=0

where the coefficients are integers and that the source symbols {by} are selected from the
set {0,1,..., M —1}. These symbols are transformed to the sequence {b } via the precoding
operation

K
by, = <b,c -3 hib;_Z) mod M (4.37)
i=1
Because of the modulo operation, each symbol b}, is also in the set {0,1,...,M —1}. The
kth transmitted signal level is given by

Ap =2b, — (M —1) (4.38)

so that the set of transmitted levels is {—(M — 1),..., (M — 1)} (i.e., a shifted version of
the set of values assumed by bx). In the absence of noise the received sample is

K
Yk = Z hiAg—; (4.39)

=0
and it can be shown that the kth source symbol is given by
1
b = 5 (yg + (M — 1)+ Heg(1)) mod M (4.40)

Precoding the symbols {bx} in this manner, therefore, enables symbol-by-symbol decisions
at the receiver. In the presence of noise, more sophisticated detection schemes (e.g., maxi-
mum likelihood) can be used with PR signalling to obtain improvements in performance.
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4.6 Additional Considerations

In many applications, bandwidth and intersymbol interference are not the only important
considerations for selecting baseband pulses. Here we give a brief discussion of additional
practical constraints that may influence this selection.

4.6.1 Average Transmitted Power and Spectral Constraints

The constraint on average transmitted power varies according to the application. For exam-
ple, low-average power is highly desirable for mobile wireless applications that use battery-
powered transmitters. In many applications (e.g., digital subscriber loops; as well as digital
radio), constraints are imposed to limit the amount of interference, or crosstalk, radiated
into neighboring receivers and communications systems. Because this type of interference is
frequency dependent, the constraint may take the form of a spectral mask that specifies the
maximum allowable transmitted power as a function of frequency. For example, crosstalk
in wireline channels is generally caused by capacitive coupling and increases as a function
of frequency. Consequently, to reduce the amount of crosstalk generated at a particular
transmitter, the pulse shaping filter generally attenuates high frequencies more than low
frequencies.

In radio applications where signals are assigned different frequency bands, constraints
on the transmitted spectrum are imposed to limit adjacent-channel interference. This in-
terference is generated by transmitters assigned to adjacent frequency bands. Therefore, a
constraint is needed to limit the amount of out-of-band power generated by each transmitter,
in addition to an overall average power constraint. To meet this constraint, the transmitter
filter in Fig. 4.3 must have a sufficiently steep rolloff at the edges of the assigned frequency
band. (Conversely, if the transmitted signals are time multiplexed, then the duration of the
system impulse response must be contained within the assigned time slot.)

4.6.2 Peak-to-Average Power

In addition to a constraint on average transmitted power, a peak-power constraint is often
imposed as well. This constraint is important in practice for the following reasons:

1. The dynamic range of the transmitter is limited. In particular, saturation of the
output amplifier will “clip” the transmitted waveform.

2. Rapid fades can severely distort signals with high peak-to-average power.

3. The transmitted signal may be subjected to nonlinearities. Saturation of the
output amplifier is one example. Another example that pertains to wireline ap-
plications is the companding process in the voice telephone network [5]. Namely,
the compander used to reduce quantization noise for pulse-code modulated voice
signals introduces amplitude-dependent distortion in data signals.

The preceding impairments or constraints indicate that the transmitted waveform should
have a low peak-to-average power ratio (PAR). For a transmitted waveform z(t), the
PAR is defined as

 max|a(®)
PAR = B

where E/(-) denotes expectation. Using binary signalling with rectangular pulse shapes mini-
mizes the PAR. However, this compromises bandwidth efficiency. In applications where PAR
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should be low, binary signalling with rounded pulses are often used. Operating RF power
amplifiers with power back-off can also reduce PAR, but leads to inefficient amplification.

For an orthogonal frequency division multiplexing (OFDM) system, it is well
known that the transmitted signal can exhibit a very high PAR compared to an equivalent
single-carrier system. Hence more sophisticated approaches to PAR reduction are required
for OFDM. Some proposed approaches are described in [8] and references therein. These
include altering the set of transmitted symbols and setting aside certain OFDM tones
specifically to minimize PAR.

4.6.3 Channel and Receiver Characteristics

The type of channel impairments encountered and the type of detection scheme used at the
receiver can also influence the choice of a transmitted pulse shape. For example, a constant
amplitude pulse is appropriate for a fast fading environment with noncoherent detection.
The ability to track channel characteristics, such as phase, may allow more bandwidth
efficient pulse shapes in addition to multilevel signalling.

High-speed data communications over time-varying channels requires that the transmitter
and/or receiver adapt to the changing channel characteristics. Adapting the transmitter
to compensate for a time-varying channel requires a feedback channel through which the
receiver can notify the transmitter of changes in channel characteristics. Because of this
extra complication, adapting the receiver is often preferred to adapting the transmitter
pulse shape. However, the following examples are notable exceptions.

1. The current IS-95 air interface for direct-sequence code-division multiple access
adapts the transmitter power to control the amount of interference generated
and to compensate for channel fades. This can be viewed as a simple form of
adaptive transmitter pulse shaping in which a single parameter associated with
the pulse shape is varied.

2. Multitone modulation divides the channel bandwidth into small subbands, and
the transmitted power and source bits are distributed among these subbands
to maximize the information rate. The received signal-to-noise ratio for each
subband must be transmitted back to the transmitter to guide the allocation of
transmitted bits and power [1].

In addition to multitone modulation, adaptive precoding (also known as Tomlinson—
Harashima precoding [4, 11]) is another way in which the transmitter can adapt to the
channel frequency response. Adaptive precoding is an extension of the technique described
earlier for partial-response channels. Namely, the equivalent discrete-time channel impulse
response is measured at the receiver and sent back to the transmitter, where it is used in
a precoder. The precoder compensates for the intersymbol interference introduced by the
channel, allowing the receiver to detect the data by a simple threshhold operation. Both
multitone modulation and precoding have been used with wireline channels (voiceband
modems and digital subscriber loops).

4.6.4 Complexity

Generation of a bandwidth-efficient signal requires a filter with a sharp cutoff. In addition,
bandwidth-efficient pulse shapes can complicate other system functions, such as timing and
carrier recovery. If sufficient bandwidth is available, the cost can be reduced by using a
rectangular pulse shape with a simple detection strategy (low-pass filter and threshold).
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4.6.5 Tolerance to Interference

Interference is one of the primary channel impairments associated with digital radio. In
addition to adjacent-channel interference described earlier, cochannel interference may be
generated by other transmitters assigned to the same frequency band as the desired sig-
nal. Cochannel interference can be controlled through frequency (and perhaps time slot)
assignments and by pulse shaping. For example, assuming fixed average power, increasing
the bandwidth occupied by the signal lowers the power spectral density and decreases the
amount of interference into a narrowband system that occupies part of the available band-
width. Sufficient bandwidth spreading, therefore, enables wideband signals to be overlaid
on top of narrowband signals without disrupting either service.

4.6.6 Probability of Intercept and Detection

The broadcast nature of wireless channels generally makes eavesdropping easier than for
wired channels. A requirement for most commercial, as well as military applications, is to
guarantee the privacy of user conversations (low probability of intercept). An additional
requirement, in some applications, is that determining whether or not communications is
taking place must be difficult (low probability of detection). Spread-spectrum waveforms
are attractive in these applications since spreading the pulse energy over a wide frequency
band decreases the power spectral density and, hence, makes the signal less visible. Power-
efficient modulation combined with coding enables a further reduction in transmitted power
for a target error rate.

4.7 Examples

We conclude this chapter with a brief description of baseband pulse shapes used in existing
and emerging standards for digital mobile cellular and Personal Communications Services

(PCS).

4.7.1 Global System for Mobile Communications (GSM)

The European GSM standard for digital mobile cellular communications operates in the
900-MHz frequency band, and is based on time-division multiple access (TDMA) [9]. The
U.S. version operates at 1900 MHz, and is called PCS-1900. A special variant of binary FSK
is used called Gaussian minimum-shift keying (GMSK). The GMSK modulator is illustrated
in Fig. 4.13. The input to the modulator is a binary PAM signal s(t), given by Eq. (4.3),
where the pulse p(t) is a Gaussian function and |s(t)] < 1. This waveform frequency
modulates the carrier f., so that the (passband) transmitted signal is

t

w(t) = Kcos [27rfct + 27y /

s(T) dT:I

—00

The maximum frequency deviation from the carrier is f; = 1/(2T"), which characterizes
minimum-shift keying. This technique can be used with a noncoherent receiver that is
easy to implement. Because the transmitted signal has a constant envelope, the data can
be reliably detected in the presence of rapid fades that are characteristic of mobile radio
channels.
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FIGURE 4.13  Generation of GMSK signal; LPF is low-pass filter.

4.7.2 U.S. Digital Cellular (IS-136)

The IS-136 air interface (formerly IS-54) operates in the 800 MHz band and is based on
TDMA [3]. There is also a 1900 MHz version of IS-136. The baseband signal is given
by Eq. (4.3) where the symbols are complex-valued, corresponding to quadrature phase
modulation. The pulse has a square-root raised cosine spectrum with 35% excess bandwidth.

4.7.3 Interim Standard-95

The IS-95 air interface for digital mobile cellular uses spread-spectrum signalling (CDMA)
in the 800-MHz band [10]. There is also a 1900 MHz version of IS-95. The baseband
transmitted pulse shapes are analogous to those shown in Fig. 4.2, where the number
of square pulses (chips) per bit is 128. To improve spectral efficiency the (wideband)
transmitted signal is filtered by an approximation to an ideal low-pass response with a
small amount of excess bandwidth. This shapes the chips so that they resemble minimum
bandwidth pulses.

4.7.4 Personal Access Communications System (PACS)

Both PACS and the Japanese personal handy phone (PHP) system are TDMA systems
which have been proposed for personal communications systems (PCS), and operate near
2 GHz [2]. The baseband signal is given by Eq. (4.3) with four complex symbols representing
four-phase quadrature modulation. The baseband pulse has a square-root raised cosine
spectrum with 50% excess bandwidth.

Defining Terms

Baseband signal: A signal with frequency content centered around DC.

Equivalent discrete-time transfer function: A discrete-time transfer function (2
transform) that relates the transmitted amplitudes to received samples in the
absence of noise.

Excess bandwidth: That part of the baseband transmitted spectrum which is not
contained within the Nyquist band.

Eye diagram: Superposition of segments of a received PAM signal that indicates the
amount of intersymbol interference present.

Frequency-shift keying: A digital modulation technique in which the transmitted
pulse is sinusoidal, where the frequency is determined by the source bits.

Intersymbol interference: The additive contribution (interference) to a received
sample from transmitted symbols other than the symbol to be detected.

Matched filter: The receiver filter with impulse response equal to the time-reversed,
complex conjugate impulse response of the combined transmitter filter-channel
impulse response.
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Nyquist band: The narrowest frequency band that can support a PAM signal with-
out intersymbol interference (the interval [—1/(27"),1/(2T")] where 1/T is the
symbol rate).

Nyquist criterion: A condition on the overall frequency response of a PAM system
that ensures the absence of intersymbol interference.

Orthogonal frequency division multiplexing (OFDM): Modulation technique in
which the transmitted signal is the sum of low-bit-rate narrowband digital signals
modulated on orthogonal carriers.

Partial-response signalling: A signalling technique in which a controlled amount
of intersymbol interference is introduced at the transmitter in order to shape the
transmitted spectrum. ' - o

Precoding: A transformation of source symbols at the transmitter that compensates
for intersymbol interference introduced by the channel.

Pulse amplitude modulation (PAM): A digital modulation technique in which
the source bits are mapped to a sequence of amplitudes that modulate a trans-
mitted pulse.

Raised cosine pulse: A pulse shape with Fourier transform that decays to zero ac-
cording to a raised cosine; see Eq. (4.18). The amount of excess bandwidth is
conveniently determined by a single parameter («).

Spread spectrum: A signalling technique in which the pulse bandwidth is many
times wider than the Nyquist bandwidth.

Zero-forcing criterion: A design constraint which specifies that intersymbol inter-
ference be eliminated.
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Further Information

Baseband signalling and pulse shaping is fundamental to the design of any digital communi-
cations system and is, therefore, covered in numerous texts on digital communications. For
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5.1 Characterization of Channel Distortion

Many communication channels, including telephone channels, and some radio channels, may
be generally characterized as band-limited linear filters. Consequently, such channels are
described by their frequency response C(f), which may be expressed as

C(f) = A(f)e?) (5.1)

where A(f) is called the amplitude response and 6(f) is called the phase response. Another
characteristic that is sometimes used in place of the phase response is the envelope delay or
group delay, which is defined as

_ L do()

T(f) = or df (5.2)

A channel is said to be nondistorting or ideal if, within the bandwidth W occupied by the
transmitted signal, A(f) = const and (f) is a linear function of frequency [or the envelope
delay 7(f) = const]. On the other hand, if A(f) and 7(f) are not constant within the
bandwidth occupied by the transmitted signal, the channel distorts the signal. If A(f) is
not constant, the distortion is called amplitude distortion and if 7(f) is not constant, the
distortion on the transmitted signal is called delay distortion.

As aresult of the amplitude and delay distortion caused by the nonideal channel frequency
response characteristic C(f), a succession of pulses transmitted through the channel at
rates comparable to the bandwidth W are smeared to the point that they are no longer
distinguishable as well-defined pulses at the receiving terminal. Instead, they overlap and,
thus, we have intersymbol interference (ISI). As an example of the effect of delay
distortion on a transmitted pulse, Fig. 5.1(a) illustrates a band-limited pulse having zeros

0-8493-8597-0/99/$0.00+$.50
® 1999 by CRC Press LLC 5-1
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periodically spaced in time at points labeled +7', £27, etc. If information is conveyed
by the pulse amplitude, as in pulse amplitude modulation (PAM), for example, then one
can transmit a sequence of pulses, each of which has a peak at the periodic zeros of the
other pulses. Transmission of the pulse through a channel modeled as having a linear
envelope delay characteristic 7(f) [quadratic phase (f)], however, results in the received
pulse shown in Fig. 5.1(b) having zero crossings that are no longer periodically spaced.
Consequently a sequence of successive pulses would be smeared into one another, and the
peaks of the pulses would no longer be distinguishable. Thus, the channel delay distortion
results in intersymbol interference. As will be discussed in this chapter, it is possible to
compensate for the nonideal frequency response characteristic of the channel by use of
a filter or equalizer at the demodulator. Figure 5.1(c) illustrates the output of a linear
equalizer that compensates for the linear distortion in the channel.

The extent of the intersymbol interference on a telephone channel can be appreciated
by observing a frequency response characteristic of the channel. Figure 5.2 illustrates the
measured average amplitude and delay as a function of frequency for a medium-range (180~
725 mi) telephone channel of the switched telecommunications network as given by Duffy
and Tratcher, 1971. We observe that the usable band of the channel extends from about
300 Hz to about 3000 Hz. The corresponding impulse response of the average channel is
shown in Fig. 5.3. Its duration is about 10 ms. In comparison, the transmitted symbol
rates on such a channel may be of the order of 2500 pulses or symbols per second. Hence,
intersymbol interference might extend over 20-30 symbols.

Besides telephone channels, there are other physical channels that exhibit some form
of time dispersion and, thus, introduce intersymbol interference. Radio channels, such as
short-wave ionospheric propagation (HF), tropospheric scatter, and mobile cellular radio are
three examples of time-dispersive wireless channels. In these channels, time dispersion and,
hence, intersymbol interference is the result of multiple propagation paths with different
path delays. The number of paths and the relative time delays among the paths vary with
time and, for this reason, these radio channels are usually called time-variant multipath
channels. The time-variant multipath conditions give rise to a wide variety of frequency
response characteristics. Consequently, the frequency response characterization that is used
for telephone channels is inappropriate for time-variant multipath channels. Instead, these
radio channels are characterized statistically in terms of the scattering function, which, in
brief, is a two-dimensional representation of the average received signal power as a function
of relative time delay and Doppler frequency (see Proakis [4]).

For illustrative purposes, a scattering function measured on a medium-range (150 mi)
tropospheric scatter channel is shown in Fig. 5.4. The total time duration (multipath
spread) of the channel response is approximately 0.7 us on the average, and the spread
between half-power points in Doppler frequency is a little less than 1 Hz on the strongest
path and somewhat larger on the other paths. Typically, if one is transmitting at a rate of
107 symbols/s over such a channel, the multipath spread of 0.7 us will result in intersymbol
interference that spans about seven symbols.

5.2 Characterization of Intersymbol Interference

In a digital communication system, channel distortion causes intersymbol interference, as
illustrated in the preceding section. In this section, we shall present a model that charac-
terizes the ISI. The digital modulation methods to which this treatment applies are PAM,
phase-shift keying (PSK) and quadrature amplitude modulation (QAM). The transmitted
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FIGURES5.1  Effect of channel distortion: (a) channel input, (b) channel output, (¢c) equalizer output.
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FIGURE5.2  Average amplitude and delay characteristics of medium-range telephone channel.

signal for these three types of modulation may be expressed as

s(t) = v(t) cos2mfot — vs(t) sin2m fot
Re [v(t) e727ft] (5.3)

where v(t) = v.(t)+jv,(t) is called the equivalent low-pass signal, f. is the carrier frequency,
and Re[ ] denotes the real part of the quantity in brackets.
In general, the equivalent low-pass signal is expressed as

u(t) = Ingr(t —nT) (5.4)

n=0

where gr(t) is the basic pulse shape that is selected to control the spectral characteristics
of the transmitted signal, {I,} the sequence of transmitted information symbols selected
from a signal constellation consisting of M points, and T’ the signal interval (1/T is the
symbol rate). For PAM, PSK, and QAM, the values of I,, are points from M-ary signal
constellations. Figure 5.5 illustrates the signal constellations for the case of M = 8 signal
points. Note that for PAM, the signal constellation is one dimensional. Hence, the equiva-
lent low-pass signal v(t) is real valued, i.e., v5(t) = 0 and v.(t) = v(t). For M-ary (M > 2)
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FIGURE5.4 Scattering function of a medium-range tropospheric scatter channel.

PSK and QAM, the signal constellations are two dimensional and, hence, v(¢) is complex
valued.

The signal s(t) is transmitted over a bandpass channel that may be characterized by
an equivalent low-pass frequency response C(f). Consequently, the equivalent low-pass
received signal can be represented as

r(t) = i I, h(t — nT) + w(?) (5.5)

n=0

where h(t) = gr(t)*c(t), and ¢(t) is the impulse response of the equivalent low-pass channel,
the asterisk denotes convolution, and w(t) represents the additive noise in the channel.
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To characterize the ISI, suppose that the received signal is passed through a receiving
filter and then sampled at the rate 1/T samples/s. In general, the optimum filter at the
receiver is matched to the received signal pulse h(t). Hence, the frequency response of this
filter is H*(f). We denote its output as

y(t) = Z Inz(t — nT) + v(t) (5.6)
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where z(t) is the signal pulse response of the receiving filter, i.e., X(f) = H(f)H*(f) =
|H(f)|?, and v(t) is the response of the receiving filter to the noise w(t). Now, if y(t) is
sampled at times t = kT, k =0,1,2,..., we have

ykT) =y = Y Lw(kT —nT) + v(kT)
n=0
= anmk_n+uk, k=0,1,... (5.7)
n=0

The sample values {y;} can be expressed as

1 o0
yp =20 | e+ — > In@kn | +wvk,  k=0,1,... (5.8)
Zo
n=0
n#k
The term zg is an arbitrary scale factor, which we arbitrarily set equal to unity for conve-
nience. Then

o0
yr = I + Z Inzgp_pn + vk (5.9)
n=0
n#k
The term I represents the desired information symbol at the kth sampling instant, the
term

o0
> Ly (5.10)
R

represents the ISI, and vy is the additive noise variable at the kth sampling instant.

The amount of ISI, and noise in a digital communications system can be viewed on an
oscilloscope. For PAM signals, we can display the received signal y(t) on the vertical input
with the horizontal sweep rate set at 1/7". The resulting oscilloscope display is called an
eye pattern because of its resemblance to the human eye. For example, Fig. 5.6 illustrates
the eye patterns for binary and four-level PAM modulation. The effect of ISI is to cause
the eye to close, thereby reducing the margin for additive noise to cause errors. Figure 5.7
graphically illustrates the effect of ISI in reducing the opening of a binary eye. Note that
intersymbol interference distorts the position of the zero crossings and causes a reduction
in the eye opening. Thus, it causes the system to be more sensitive to a synchronization
error.

For PSK and QAM it is customary to display the eye pattern as a two-dimensional scatter
diagram illustrating the sampled values {yx} that represent the decision variables at the
sampling instants. Figure 5.8 illustrates such an eye pattern for an 8-PSK signal. In the
absence of intersymbol interference and noise, the superimposed signals at the sampling
instants would result in eight distinct points corresponding to the eight transmitted signal
phases. Intersymbol interference and noise result in a deviation of the received samples
{yx} from the desired 8-PSK signal. The larger the intersymbol interference and noise, the
larger the scattering of the received signal samples relative to the transmitted signal points.

In practice, the transmitter and receiver filters are designed for zero ISI at the desired
sampling times t = kT. Thus, if Gr(f) is the frequency response of the transmitter filter
and Gg(f) is the frequency response of the receiver filter, then the product Gr(f) Gr(f)
is designed to yield zero ISI. For example, the product Gr(f) Gr(f) may be selected as

Gr(f)Gr(f) = Xre(f) (5.11)
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where X,..(f) is the raised-cosine frequency response characteristic, defined as

T, 0<|fI<(1-a)2T
T 7T 1—« l—« 1+«
i il _ I e 2
Xty = glres T (1= 150) sy 512)
1+«
0, |f|>_2T

where a is called the rolloff factor, which takes values in the range 0 < a < 1, and 1 /T is
the symbol rate. The frequency response X,..(f) is illustrated in Fig. 5.9(a) for a = 0,1/2,
and 1. Note that when a = 0, X,..(f) reduces to an ideal brick wall physically nonrealizable
frequency response with bandwidth occupancy 1/2T. The frequency 1/2T is called the
Nyquist frequency. For a > 0, the bandwidth occupied by the desired signal Xre(f) beyond
the Nyquist frequency 1/2T is called the excess bandwidth, and is usually expressed as a
percentage of the Nyquist frequency. For example, when o = 1/2, the excess bandwidth is
50% and when a = 1, the excess bandwidth is 100%. The signal pulse z,.(t) having the

85



5.3. LINEAR EQUALIZERS 5-9

1ip
Y-

L] L
- o
. . = =
. . = o
o F|=

Received signal

T itted eight-ph
ransmitted eight-phase samples at the output of demodulator

signal
(a) (b)
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raised-cosine spectrum is

sin 7t/T  cos(rat/T)

.1
AT 1—4a?e2/T? (5.13)

ZTre(t) =

Figure 5.9(b) illustrates z,.(t) for a = 0, 1/2, and 1. Note that z..(t) = 1 at ¢ = 0 and
Tre(t) = 0att = kT, k = £1,+£2,.... Consequently, at the sampling instants ¢ = kT, k #0,
there is no ISI from adjacent symbols when there is no channel distortion. In the presence
of channel distortion, however, the ISI given by Eq. (5.10) is no longer zero, and a channel
equalizer is needed to minimize its effect on system performance.

5.3 Linear Equalizers

The most common type of channel equalizer used in practice to reduce SI is a linear transver-
sal filter with adjustable coefficients {c;}, as shown in Fig. 5.10.

On channels whose frequency response characteristics are unknown, but time invariant, we
may measure the channel characteristics and adjust the parameters of the equalizer; once
adjusted, the parameters remain fixed during the transmission of data. Such equalizers
are called preset equalizers. On the other hand, adaptive equalizers update their
parameters on a periodic basis during the transmission of data and, thus, they are capable
of tracking a slowly time-varying channel response.

First, let us consider the design characteristics for a linear equalizer from a frequency
domain viewpoint. Figure 5.11 shows a block diagram of a system that employs a linear
filter as a channel equalizer.

The demodulator consists of a receiver filter with frequency response Gr(f) in cascade
with a channel equalizing filter that has a frequency response Gg(f). As indicated in the
preceding section, the receiver filter response Gr(f) is matched to the transmitter response,
ie., Gr(f) = G%(f), and the product Gr(f)Gr(f) is usually designed so that there is zero
ISI at the sampling instants as, for example, when Gg(t)Gr(f) = Xre(f)-

For the system shown in Fig. 5.11, in which the channel frequency response is not ideal,
the desired condition for zero ISI is

Gr(£)C(f)Gr(f)Gr(f) = Xre(f) (5.14)
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FIGURES5.9  Pulses having a raised cosine spectrum.

where X, (f) is the desired raised-cosine spectral characteristic. Since Gy (f)Gr(f) =
Xre(f) by design, the frequency response of the equalizer that compensates for the channel
distortion is ) )
- - —30c(f)
“ D =am = eme 19

Thus, the amplitude response of the equalizer is |Gg(f)| = 1/|C(f)| and its phase response
is O (f) = —6.(f). In this case, the equalizer is said to be the inverse channel filter to the
channel response.

We note that the inverse channel filter completely eliminates ISI caused by the channel.
Since it forces the ISI to be zero at the sampling instants ¢ = kT, k=0,1,..., the equalizer
is called a zero-forcing equalizer. Hence, the input to the detector is simply

2 = I+, k=0,1,... (5.16)

where 7, represents the additive noise and I is the desired symbol.

In practice, the ISI caused by channel distortion is usually limited to a finite number of
symbols on either side of the desired symbol. Hence, the number of terms that constitute the
IST in the summation given by Eq. (5.10) is finite. As a consequence, in practice the channel
equalizer is implemented as a finite duration impulse response (FIR) filter, or transversal
filter, with adjustable tap coefficients {c,}, as illustrated in Fig. 5.10. The time delay 7
between adjacent taps may be selected as large as T, the symbol interval, in which case
the FIR equalizer is called a symbol-spaced equalizer. In this case, the input to the
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FIGURES5.11  Block diagram of a system with an equalizer.

equalizer is the sampled sequence given by Eq. (5.7). We note that when the symbol rate
1/T < 2W, however, frequencies in the received signal above the folding frequency 1 /T are
aliased into frequencies below 1/T'. In this case, the equalizer compensates for the aliased
channel-distorted signal.

On the other hand, when the time delay 7 between adjacent taps is selected such that
1/7 > 2W > 1/T, no aliasing occurs and, hence, the inverse channel equalizer compensates
for the true channel distortion. Since 7 < T, the channel equalizer is said to have fractionally
spaced taps and it is called a fractionally spaced equalizer. In practice, T is often selected
as 7 = T/2. Notice that, in this case, the sampling rate at the output of the filter Gr(f) is
2/T.

The impulse response of the FIR equalizer is

N

ge(t) = Z cnd(t —nT) (5.17)

n=—N
and the corresponding frequency response is
N
Ge(f)= D cpe 9" (5.18)
n=—N

where {c,} are the (2N + 1) equalizer coefficients and N is chosen sufficiently large so that
the equalizer spans the length of the ISI, i.e., 9N + 1 > L, where L is the number of signal
samples spanned by the ISI. Since X(f) = Gr(f)C(f)G r(f) and z(t) is the signal pulse
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corresponding to X (f), then the equalized output signal pulse is
N

q(t) = Z cn(t — nr) (5.19)
n=-N
The zero-forcing condition can now be applied to the samples of ¢(t) taken at times ¢t = m1T".
These samples are
N
q(mT) = Z cnz(mI — n), m=0,+1,...,+N (5.20)
n=—N
Since there are 2N + 1 equalizer coefficients; we can control only 2N + 1 sampled values of
q(t). Specifically, we may force the conditions

N
q(mT) = ZN cnz(mT —n1) = { (1): Z _ 11, 42, AN (5.21)
e
which may be expressed in matrix form as X ¢ = q, where X is a (2N +1) x (2N +1) matrix
with elements {z(mT — n1)}, ¢ is the (2N + 1) coefficient vector and q is the (2N + 1)
column vector with one nonzero element. Thus, we obtain a set of 2N + 1 linear equations
for the coefficients of the zero-forcing equalizer.

We should emphasize that the FIR zero-forcing equalizer does not completely eliminate
ISI because it has a finite length. As N is increased, however, the residual ISI can be

reduced, and in the limit as N — oo, the ISI is completely eliminated.

EXAMPLE5.1:

Consider a channel distorted pulse z(t), at the input to the equalizer, given by the

expression
1

2t 2
1 =
(%)
where 1/T is the symbol rate. The pulse is sampled at the rate 2/T" and equalized by a
zero-forcing equalizer. Determine the coefficients of a five-tap zero-forcing equalizer.

z(t) =

Solution 5.1 According to Eq. (5.21), the zero-forcing equalizer must satisfy the
equations

2
L, m=0
g(mT) = Z cnz (mT —nT/2) = { 0, m==+1,+2

n=-2
The matrix X with elements z(mT' — nT'/2) is given as
101111y
5 10 17 26 37
1 1 1 1 1
2 5 10 17
1 1 1 1
= - - 1 = - 22
X 5 2 2 5 (5.22)
IR T
17 10 5 2
1111 1
- 37 26 17 10 5 J
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The coefficient vector ¢ and the vector g are given as

C_»o 0
C_1 0
c=1| c g= 11 (5.23)
(8] 0
Co 0

Then, the linear equations X ¢ = g can be solved by inverting the matrix X. Thus, we

obtain
—-2.2

4.9

Copt = X_lq = -3 (5.24)
4.9
—-2.2

One drawback to the zero-forcing equalizer is that it ignores the presence of additive noise.
As a consequence, its use may result in significant noise enhancement. This is easily seen by
noting that in a frequency range where C(f) is small, the channel equalizer G e(f)=1/C(f)
compensates by placing a large gain in that frequency range. Consequently, the noise in
that frequency range is greatly enhanced. An alternative is to relax the zero ISI condition
and select the channel equalizer characteristic such that the combined power in the residual
ISI and the additive noise at the output of the equalizer is minimized. A channel equalizer
that is optimized based on the minimum mean square error (MMSE) criterion accomplishes
the desired goal.

To elaborate, let us consider the noise corrupted output of the FIR equalizer, which is

N

2(t) = Z eny(t — 1) (5.25)

n=—N

where y(t) is the input to the equalizer, given by Eg. (5.6). The equalizer output is sampled
at times t = mT'. Thus, we obtain

N
z2(mT) = Z cny(mT — nT) (5.26)

n=—N

The desired response at the output of the equalizer at ¢ = mT is the transmitted symbol
I,. The error is defined as the difference between I, and z(mT'). Then, the mean square
error (MSE) between the actual output sample z(m7") and the desired values I, is

MSE = Elz(mT)— I,|°

N 2

E Z eny(mT —n1) — Iy
n=—N

N N
Z Z cnexRy (n — k)

n=—N k=—N

I

N
-2 S aRiy(k)+E (IIm|2) (5.27)
k=—N
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where the correlations are defined as

Ry(n—k) = E[y*(mT —nr)y(mT — kr)]
(5.28)
Rry(k) = Ey(mT —k7)I})

and the expectation is taken with respect to the random information sequence {I,,} and
the additive noise.

The minimum MSE solution is obtained by differentiating Eq. (5.27) with respect to the
equalizer coeflicients {c, }. Thus, we obtain the necessary conditions for the minimum MSE

as
N

> enRy(n—k) = Rry(k), =0,41,2,..., N (5.29)
n=—N

These are the (2N + 1) linear equations for the equalizer coefficients. In contrast to the
zero-forcing solution already described, these equations depend on the statistical properties
(the autocorrelation) of the noise as well as the ISI through the autocorrelation Ry (n).

In practice, the autocorrelation matrix Ry (n) and the crosscorrelation vector Ry (n) are
unknown a priori. These correlation sequences can be estimated, however, by transmitting
a test signal over the channel and using the time-average estimates

By(n) = % “(KT — nr)y(kT)
(5.30)
1

Riy(n) = (kT —nr)I}

K
Sy
k=1

K
Yoy
k=1

=

in place of the ensemble averages to solve for the equalizer coefficients given by Eq. (5.29).

5.3.1 Adaptive Linear Equalizers

We have shown that the tap coefficients of a linear equalizer can be determined by solving
a set of linear equations. In the zero-forcing optimization criterion, the linear equations are
given by Eq. (5.21). On the other hand, if the optimization criterion is based on minimizing
the MSE, the optimum equalizer coefficients are determined by solving the set of linear
equations given by Eq. (5.29).

In both cases, we may express the set of linear equations in the general matrix form

Be=d (5.31)

where B is a (2N+1)x (2N +1) matrix, ¢ is a column vector representing the 2N-+1 equalizer
coeflicients, and d a (2N + 1)-dimensional column vector. The solution of Eq. (5.31) yields

copt = B7'd (5.32)

In practical implementations of equalizers, the solution of Eq. (5.31) for the optimum
coefficient vector is usually obtained by an iterative procedure that avoids the explicit
computation of the inverse of the matrix B. The simplest iterative procedure is the method
of steepest descent, in which one begins by choosing arbitrarily the coefficient vector ¢,
say co. This initial choice of coefficients corresponds to a point on the criterion function
that is being optimized. For example, in the case of the MSE criterion, the initial guess cg
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corresponds to a point on the quadratic MSE surface in the (2N + 1)-dimensional space of
coefficients. The gradient vector, defined as gq, which is the derivative of the MSE with
respect to the 2N + 1 filter coefficients, is then computed at this point on the criterion
surface, and each tap coefficient is changed in the direction opposite to its corresponding
gradient component. The change in the jth tap coeflicient is proportional to the size of the
jth gradient component.

For example, the gradient vector denoted as gy, for the MSE criterion, found by taking
the derivatives of the MSE with respect to each of the 2N + 1 coefficients, is

g, = Ber — d, k=0,1,2... (5.33)
Then the coefficient vector ¢ is updated according to the relation
Cit1 = Ck — Agy, (5.34)

where A is the step-size parameter for the iterative procedure. To ensure convergence of
the iterative procedure, A is chosen to be a small positive number. In such a case, the
gradient vector g, converges toward zero, i.e., g, — 0 as k — 00, and the coeflicient vector
cr — Copt as illustrated in Fig. 5.12 based on two-dimensional optimization. In general,
convergence of the equalizer tap coefficients to copy cannot be attained in a finite number
of iterations with the steepest-descent method. The optimum solution copt, however, can
be approached as closely as desired in a few hundred iterations. In digital communication
systems that employ channel equalizers, each iteration corresponds to a time interval for
sending one symbol and, hence, a few hundred iterations to achieve convergence to Copt
corresponds to a fraction of a second.

[nitial guess

N

—

FIGURE5.12  Examples of convergence characteristics of a gradient algorithm.

7

Adaptive channel equalization is required for channels whose characteristics change with
time. In such a case, the ISI varies with time. The channel equalizer must track such time
variations in the channel response and adapt its coefficients to reduce the ISL. In the context
of the preceding discussion, the optimum coefficient vector copt varies with time due to time
variations in the matrix B and, for the case of the MSE criterion, time variations in the
vector d. Under these conditions, the iterative method described can be modified to use
estimates of the gradient components. Thus, the algorithm for adjusting the equalizer tap
coefficients may be expressed as

Cry1 = Cp — Agk (5.35)
where §, denotes an estimate of the gradient vector g, and &, denotes the estimate of the
tap coeflicient vector.
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In the case of the MSE criterion, the gradient vector g, given by Eq. (5.33) may also be
expressed as

9r = —E (exyy)

An estimate g, of the gradient vector at the kth iteration is computed as

i = —exyp (5.36)

where ej, denotes the difference between the desired output from the equalizer at the kth
time instant and the actual output 2(kT’), and y, denotes the column vector of 2N +1
received signal values contained in the equalizer at time instant k. The error signal ey, is
expressed as

e =Ix — 2 (5.37)

where z = z(kT') is the equalizer output given by Eq. (5.26) and Iy, is the desired symbol.
Hence, by substituting Eq. (5.36) into Eq. (5.35), we obtain the adaptive algorithm for
optimizing the tap coefficients (based on the MSE criterion) as

Ckt1 = € + Aekyz (5.38)

Since an estimate of the gradient vector is used in Eq. (5.38) the algorithm is called a
stochastic gradient algorithm; it is also known as the LMS algorithm.

A block diagram of an adaptive equalizer that adapts its tap coefficients according to
Eq. (5.38) is illustrated in Fig. 5.13. Note that the difference between the desired output
I and the actual output z; from the equalizer is used to form the error signal eg. This
error is scaled by the step-size parameter A, and the scaled error signal Ae; multiplies the
received signal values {y(kT' — nr)} at the 2N + 1 taps. The products Aepy* (kT — nr) at
the (2V + 1) taps are then added to the previous values of the tap coeflicients to obtain
the updated tap coefficients, according to Eq. (5.38). This computation is repeated as each
new symbol is received. Thus, the equalizer coefficients are updated at the symbol rate.

Initially, the adaptive equalizer is trained by the transmission of a known pseudo-random
sequence {[,,} over the channel. At the demodulator, the equalizer employs the known
sequence to adjust its coefficients. Upon initial adjustment, the adaptive equalizer switches
from a training mode to a decision-directed mode, in which case the decisions at the
output of the detector are sufficiently reliable so that the error signal is formed by computing
the difference between the detector output and the equalizer output, i.e.,

e = ik — 2k (5.39)

where [} is the output of the detector. In general, decision errors at the output of the de-
tector occur infrequently and, consequently, such errors have little effect on the performance
of the tracking algorithm given by Eq. (5.38).
A rule of thumb for selecting the step-size parameter so as to ensure convergence and
good tracking capabilities in slowly varying channels is
A 1 0
T 5QN + 1)Pa (5.40)
where Pr denotes the received signal-plus-noise power, which can be estimated from the
received signal (see Proakis [4]).
The convergence characteristic of the stochastic gradient algorithm in Eq. (5.38) is illus-
trated in Fig. 5.14. These graphs were obtained from a computer simulation of an 11-tap
adaptive equalizer operating on a channel with a rather modest amount of ISI. The input
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FIGURE 5.13 Linear adaptive equalizer based on the MSE criterion.

signal-plus-noise power Pr was normalized to unity. The rule of thumb given in Eq. (5.40)
for selecting the step size gives A = 0.018. The effect of making A too large is illustrated
by the large jumps in MSE as shown for A = 0.115. As A is decreased, the convergence is

slowed somewhat, but a lower MSE is achieved, indicating that the estimated coefficients
are closer to Copt-

A4=0.115
lo—l -
w
(%]
=
]
=
s
107~
10-? | 1 1 1 |
0 100 200 300 400 500
Number of iterations

FIGURES5.14  Initial convergence characteristics of the LMS algorithm with different step sizes.
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Although we have described in some detail the operation of an adaptive equalizer that
is optimized on the basis of the MSE criterion, the operation of an adaptive equalizer
based on the zero-forcing method is very similar. The major difference lies in the method
for estimating the gradient vectors g, at each iteration. A block diagram of an adaptive
zero-forcing equalizer is shown in Fig. 5.15.

Input o = . . . t be—o.
—~® —~®
z X X
RYG

T T

FIGURE 5.15  An adaptive zero-forcing equalizer.

For more details on the tap coefficient update method for a zero-forcing equalizer, the
reader is referred to the papers by Lucky [2, 3], and the text by Proakis [4].

5.4 Decision-Feedback Equalizer

The linear filter equalizers described in the preceding section are very effective on channels,
such as wire line telephone channels, where the ISI is not severe. The severity of the ISI is
directly related to the spectral characteristics and not necessarily to the time span of the
ISI. For example, consider the ISI resulting from the two channels that are illustrated in
Fig. 5.16. The time span for the ISI in channel A is 5 symbol intervals on each side of the
desired signal component, which has a value of 0.72. On the other hand, the time span for
the ISI in channel B is one symbol interval on each side of the desired signal component,
which has a value of 0.815. The energy of the total response is normalized to unity for both
channels. )

In spite of the shorter ISI span, channel B results in more severe ISI. This is evidenced
in the frequency response characteristics of these channels, which are shown in Fig. 5.17.
We observe that channel B has a spectral null [the frequency response C (f) = 0 for some
frequencies in the band |f| < W] at f = 1/2T, whereas this does not occur in the case
of channel A. Consequently, a linear equalizer will introduce a large gain in its frequency
response to compensate for the channel null. Thus, the noise in channel B will be enhanced
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FIGURES5.16  Two channels with ISL

much more than in channel A. This implies that the performance of the linear equalizer
for channel B will be sufficiently poorer than that for channel A. This fact is borne out
by the computer simulation results for the performance of the two linear equalizers shown
in Fig. 5.18. Hence, the basic limitation of a linear equalizer is that it performs poorly
on channels having spectral nulls. Such channels are often encountered in radio commu-
nications, such as ionospheric transmission at frequencies below 30 MHz and mobile radio
channels, such as those used for cellular radio communications.

A decision-feedback equalizer (DFE) is a nonlinear equalizer that employs previous
decisions to eliminate the ISI caused by previously detected symbols on the current symbol
to be detected. A simple block diagram for a DFE is shown in Fig. 5.19. The DFE consists
of two filters. The first filter is called a feedforward filter and it is generally a fractionally
spaced FIR filter with adjustable tap coefficients. This filter is identical in form to the
linear equalizer already described. Its input is the received filtered signal y(t) sampled
at some rate that is a multiple of the symbol rate, e.g., at rate 2/T. The second filter
is a feedback filter. It is implemented as an FIR filter with symbol-spaced taps having
adjustable coefficients. Its input is the set of previously detected symbols. The output of
the feedback filter is subtracted from the output of the feedforward filter to form the input
to the detector. Thus, we have

0 Na
Zm = Z eny(mT — nt) — 2:1 balm—n (5.41)
n=—N1 n=

where {c,} and {b,} are the adjustable coefficients of the feedforward and feedback filters,
respectively, Im—n,n=1,2,..., Ny are the previously detected symbols, N; +1 is the length
of the feedforward filter, and N, is the length of the feedback filter. Based on the input
Zm, the detector determines which of the possible transmitted symbols is closest in distance
to the input signal I,,. Thus, it makes its decision and outputs I,,. What makes the
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FIGURE5.17 Amplitude spectra for (a) channel A shown in Fig.5.16(a) and (b) channel B shown in Fig.5.16(b).

DFE nonlinear is the nonlinear characteristic of the detector that provides the input to the
feedback filter.

The tap coefficients of the feedforward and feedback filters are selected to optimize some
desired performance measure. For mathematical simplicity, the MSE criterion is usually
applied, and a stochastic gradient algorithm is commonly used to implement an adaptive
DFE. Figure 5.20 illustrates the block diagram of an adaptive DFE whose tap coefficients
are adjusted by means of the LMS stochastic gradient algorithm. Figure 5.21 illustrates the
probability of error performance of the DFE, obtained by computer simulation, for binary
PAM transmission over channel B. The gain in performance relative to that of a linear
equalizer is clearly evident.

We should mention that decision errors from the detector that are fed to the feedback filter
have a small effect on the performance of the DFE. In general, a small loss in performance
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FIGURE5.18  Error-rate performance of linear MSE equalizer.
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FIGURES5.19  Block diagram of DFE.

of one to two decibels is possible at error rates below 1072, as illustrated in Fig. 5.21, but
the decision errors in the feedback filters are not catastrophic.

5.5 Maximum-Likelihood Sequence Detection

Although the DFE outperforms a linear equalizer, it is not the optimum equalizer from the
viewpoint of minimizing the probability of error in the detection of the information sequence
{I}} from the received signal samples {yx} given in Eq. (5.5). In a digital communication
system that transmits information over a channel that causes ISI, the optimum detector
is a maximum-likelihood symbol sequence detector which produces at its output the most
probable symbol sequence {1} for the given received sampled sequence {yx}. That is, the
detector finds the sequence {13} that maximizes the likelihood function

A({Ie}) =Inp ({we} | {Ix}) (5.42)

where p({yx} | {Ix}) is the joint probability of the received sequence {yx} conditioned on
{I+}. The sequence of symbols {I;} that maximizes this joint conditional probability is
called the maximum-likelihood sequence detector.
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An algorithm that implements maximum-likelihood sequence detection (MLSD) is the
Viterbi algorithm, which was originally devised for decoding convolutional codes. For a
description of this algorithm in the context of sequence detection in the presence of ISI, the
reader is referred to the paper by Forney [1] and the text by Proakis [4].

The major drawback of MLSD for channels with ISI is the exponential behavior in com-
putational complexity as a function of the span of the ISI. Consequently, MLSD is practical
only for channels where the ISI spans only a few symbols and the ISI is severe, in the
sense that it causes a severe degradation in the performance of a linear equalizer or a
decision-feedback equalizer. For example, Fig. 5.22 illustrates the error probability perfor-
mance of the Viterbi algorithm for a binary PAM signal transmitted through channel B (see
Fig. 5.16). For purposes of comparison, we also illustrate the probability of error for a DFE.
Both results were obtained by computer simulation. We observe that the performance of
the maximum likelihood sequence detector is about 4.5 dB better than that of the DFE at
an error probability of 107, Hence, this is one example where the ML sequence detector
provides a significant performance gain on a channel with a relatively short ISI span.

FIGURE5.20 Adaptive DFE.

5.6 Conclusions

Channel equalizers are widely used in digital communication systems to mitigate the effects
of ISI caused by channel distortion. Linear equalizers are widely used for high-speed modems
that transmit data over telephone channels. For wireless (radio) transmission, such as in
mobile cellular communications and interoffice communications, the multipath propagation
of the transmitted signal results in severe ISI. Such channels require more powerful equalizers
to combat the severe ISI. The decision-feedback equalizer and the MLSD are two nonlinear
channel equalizers that are suitable for radio channels with severe ISI.
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FIGURE 5.21
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FIGURE 5.22 Comparison of performance between MLSE and decision-feedback equalization for channel B of

Fig.5.16.
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Defining Terms

Adaptive equalizer: A channel equalizer whose parameters are updated automati-
cally and adaptively during transmission of data.

Channel equalizer: A device that is used to reduce the effects of channel distortion
in a received signal.

Decision-directed mode: Mode for adjustment of the equalizer coefficient adap-
tively based on the use of the detected symbols at the output of the detector.

Decision-feedback equalizer (DFE): An adaptive equalizer that consists of a feed-
forward filter and a feedback filter, where the latter is fed with previously detected
symbols that are used to eliminate the intersymbol interference due to the tail in
the channel impulse response.

Fractionally spaced equalizer: A tapped-delay line channel equalizer in which the
delay between adjacent taps is less than the duration of a transmitted symbol.

Intersymbol interference: Interference in a received symbol from adjacent (nearby)
transmitted symbols caused by channel distortion in data transmission.

LMS algorithm: See stochastic gradient algorithm.

Maximum-likelihood sequence detector: A detector for estimating the most prob-
able sequence of data symbols by maximizing the likelihood function of the re-
ceived signal.

Preset equalizer: A channel equalizer whose parameters are fixed (time-invariant)
during transmission of data.

Stochastic gradient algorithm: An algorithm for adaptively adjusting the coeffi-
cients of an equalizer based on the use of (noise-corrupted) estimates of the
gradients.

Symbol-spaced equalizer: A tapped-delay line channel equalizer in which the delay
between adjacent taps is equal to the duration of a transmitted symbol.

Training mode: Mode for adjustment of the equalizer coefficients based on the trans-
mission of a known sequence of transmitted symbols.

Zero-forcing equalizer: A channel equalizer whose parameters are adjusted to com-

pletely eliminate intersymbol interference in a sequence of transmitted data sym-
bols.
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Further Information

For a comprehensive treatment of adaptive equalization techniques and their performance
characteristics, the reader may refer to the book by Proakis [4]. The two papers by
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Lucky [2, 3|, provide a treatment on linear equalizers based on the zero-forcing criterion.
Additional information on decision-feedback equalizers may be found in the journal papers
“An Adaptive Decision-Feedback Equalizer” by D.A. George, R.R. Bowen, and J.R. Storey,
IEEE Transactions on Communications Technology, Vol. COM-19, pp. 281-293, June 1971,
and “Feedback Equalization for Fading Dispersive Channels” by P. Monsen, IEEE Transac-
tions on Information Theory, Vol. IT-17, pp. 56—64, January 1971. A through treatment of
channel equalization based on maximum-likelihood sequence detection is given in the paper
by Forney [1].
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6.1 Introduction

The terminology line coding originated in telephony with the need to transmit digital
information across a copper telephone line; more specifically, binary data over a digital
repeatered line. The concept of line coding, however, readily applies to any transmission
line or channel. In a digital communication system, there exists a known set of symbols
to be transmitted. These can be designated as {m;}, i =1,2,..., N, with a probability of
occurrence {p;}, ¢ = 1,2,..., N, where the sequentially transmitted symbols are generally
assumed to be statistically independent. The conversion or coding of these abstract symbols
into real, temporal waveforms to be transmitted in baseband is the process of line coding.
Since the most common type of line coding is for binary data, such a waveform can be
succinctly termed a direct format for serial bits. The concentration in this section will be
line coding for binary data.

Different channel characteristics, as well as different applications and performance re-
quirements, have provided the impetus for the development and study of various types of
line coding [1, 2]. For example, the channel might be ac coupled and, thus, could not
support a line code with a dc component or large dc content. Synchronization or timing

0-8493-8597-0/99/$0.00+8.50
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6-2 CHAPTER 6. LINE CODING

recovery requirements might necessitate a discrete component at the data rate. The chan-
nel bandwidth and crosstalk limitations might dictate the type of line coding employed.
Even such factors as the complexity of the encoder and the economy of the decoder could
determine the line code chosen. Each line code has its own distinct properties. Depending
on the application, one property may be more important than the other. In what follows,
we describe, in general, the most desirable features that are considered when choosing a
line code.

It is commonly accepted [1, 2, 5, 8] that the dominant considerations effecting the choice
of a line code are: 1) timing, 2) dc content, 3) power spectrum, 4) performance monitoring,
5) probability of error, and 6) transparency. Each of these are detailed in the following
paragraphs. )

1) Timing: The waveform produced by a line code should contain enough timing infor-
mation such that the receiver can synchronize with the transmitter and decode the received
signal properly. The timing content should be relatively independent of source statistics,
L.e., a long string of 1s or 0s should not result in loss of timing or jitter at the receiver.

2) DC content: Since the repeaters used in telephony are ac coupled, it is desirable to
have zero dc in the waveform produced by a given line code. If a signal with significant
dc content is used in ac coupled lines, it will cause dec wander in the received waveform.
That is, the received signal baseline will vary with time. Telephone lines do not pass dc due
to ac coupling with transformers and capacitors to eliminate dc ground loops. Because of
this, the telephone channel causes a droop in constant signals. This causes dc wander. It
can be eliminated by dc restoration circuits, feedback systems, or with specially designed
line codes.

3) Power spectrum: The power spectrum and bandwidth of the transmitted signal should
be matched to the frequency response of the channel to avoid significant distortion. Also, the
power spectrum should be such that most of the energy is contained in as small bandwidth
as possible. The smaller is the bandwidth, the higher is the transmission efficiency.

4) Performance monitoring: It is very desirable to detect errors caused by a noisy trans-
mission channel. The error detection capability in turn allows performance monitoring while
the channel is in use (i.e., without elaborate testing procedures that require suspending use
of the channel).

5) Probability of error: The average error probability should be as small as possible for a
given transmitter power. This reflects the reliability of the line code.

6) Transparency: A line code should allow all the possible patterns of 1s and 0s. If a
certain pattern is undesirable due to other considerations, it should be mapped to a unique
alternative pattern.

6.2 Common Line Coding Formats

A line coding format consists of a formal definition of the line code that specifies how a
string of binary digits are converted to a line code waveform. There are two major classes
of binary line codes: level codes and transition codes. Level codes carry information
in their voltage level, which may be high or low for a full bit period or part of the bit
period. Level codes are usually instantaneous since they typically encode a binary digit
into a distinct waveform, independent of any past binary data. However, some level codes
do exhibit memory. Transition codes carry information in the change in level appearing in
the line code waveform. Transition codes may be instantaneous, but they generally have
memory, using past binary data to dictate the present waveform. There are two common
forms of level line codes: one is called return to zero (RZ) and the other is called
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6.2. COMMON LINE CODING FORMATS 6-3

nonreturn to zero (NRZ). In RZ coding, the level of the pulse returns to zero for a
portion of the bit interval. In NRZ coding, the level of the pulse is maintained during the
entire bit interval.

Line coding formats are further classified according to the polarity of the voltage levels
used to represent the data. If only one polarity of voltage level is used, i.e., positive or
negative (in addition to the zero level) then it is called unipolar signalling. If both positive
and negative voltage levels are being used, with or without a zero voltage level, then it is
called polar signalling. The term bipolar signalling is used by some authors to designate
a specific line coding scheme with positive, negative, and zero voltage levels. This will be
described in detail later in this section. The formal definition of five common line codes
is given in the following along with a representative waveform, the power spectral density
(PSD), the probability of error, and a discussion of advantages and disadvantages. In some
cases specific applications are noted.

6.2.1 Unipolar NRZ (Binary On-Off Keying)

In this line code, a binary 1 is represented by a non-zero voltage level and a binary 0 is
represented by a zero voltage level as shown in Fig. 6.1(a). This is an instantaneous level
code. The PSD of this code with equally likely 1s and Os is given by [5, 8]

V2T [(sinmfT\>  V?

Si(h) =5 <—-—wa ) + s
where V is the binary 1 voltage level, T'= 1/R is the bit duration, and R is the bit rate in
bits per second. The spectrum of unipolar NRZ is plotted in Fig. 6.2a. This PSD is a two-
sided even spectrum, although only half of the plot is shown for efficiency of presentation.
If the probability of a binary 1 is p, and the probability of a binary 0 is (1 — p), then the
PSD of this code, in the most general case, is 4p(1 —p) S1(f). Considering the frequency of
the first spectral null as the bandwidth of the waveform, the bandwidth of unipolar NRZ is
R in hertz. The error rate performance of this code, for equally likely data, with additive
white Gaussian noise (AWGN) and optimum, i.e., matched filter, detection is given by [1, 5]

1 [ Ey
P, = ierfc < 5N ) (6.2)

where Ey/Np is a measure of the signal-to-noise ratio (SNR) of the received signal. In
general, Ej is the energy per bit and Ng/2 is the two-sided PSD of the AWGN. More
specifically, for unipolar NRZ, Ej is the energy in a binary 1, which is V2T'. The performance
of the unipolar NRZ code is plotted in Fig. 6.3

The principle advantages of unipolar NRZ are ease of generation, since it requires only
a single power supply, and a relatively low bandwidth of R Hz. There are quite a few
disadvantages of this line code. A loss of synchronization and timing jitter can result with
a long sequence of 1s or Os because no pulse transition is present. The code has no error
detection capability and, hence, performance cannot be monitored. There is a significant
dc component as well as a dc content. The error rate performance is not as good as that of
polar line codes.

(f) (6.1)

6.2.2 Unipolar RZ

In this line code, a binary 1 is represented by a nonzero voltage level during a portion of
the bit duration, usually for half of the bit period, and a zero voltage level for rest of the bit

105



6-4 CHAPTER 6. LINE CODING

1 0 1.1.0 0 0 1 1 1 0

Unipolar RZ
@ T f2ar By lr Is7 Ter v Tt Tor Tior TiiT |

e 11T nn.

® T T T T I f T 1

Polar NRZ
©) 1 i ! I I ) I

Bipolar (AMI) | I ) l__
(d) ] I | |

L]
Manchester (Bi-phase) B l_- [ l_ ’——Il— r

(e} |

L]
[
L

L

Delay Modulation
® | I I I I I 1 I 1

Split Phase (Mark) ] [_ l_'l 1 rl I__
® __l T T _I I_ B T T I l_l | |

SpIilPhase(Spa((:zg ] ' ’_-Jl_ | I ' ][] Jl— T rl 1
|| HEN

Bi-Phase(Mar(lg i I_ r r- | l_— 1
T 00 | L

Bi-Phase (Space)

0] —l _‘_J_j | 1

Code Mark Inversion

® 1‘ 2T BT |4T] Sj 61 [rr 8T [or Tiof Tiir !
" |
NRZ (M)
o T T 1 T
NRZ (s)
(m) — | I — | —

FIGURE 6.1 Waveforms for different line codes.

106



6.2. COMMON LINE CODING FORMATS 6-5

0.30 —

r 3
(T/4)

0.25 —

0.20 —

0.15 —

PSD/ VT

0.10 —

0.05 —

.
0.0 0.5R 1.0R 1.5R 2.0R
Frequency, f (Hz)

Figure 6.2a  Power spectral density of different line codes, where R = 1 / T is the bit rate.

duration. A binary O is represented by a zero voltage level during the entire bit duration.
Thus, this is an instantaneous level code. Figure 6.1(b) illustrates a unipolar RZ waveform
in which the 1 is represented by a nonzero voltage level for half the bit period. The PSD
of this line code, with equally likely binary digits, is given by [5, 6, 8]

V2T [sinafT/2)°

Sa(f) = 16 ( TfT/2 )
LT s + i _ 1 55— (@n+1R) (63)
ir? | 4 L (2n+ 1) '

where again V is the binary 1 voltage level, and T'= 1/R is the bit period. The spectrum
of this code is drawn in Fig. 6.2a. In the most general case, when the probability of a 1
is p, the continuous portion of the PSD in Eq. (6.3) is scaled by the factor 4p(1 — p) and
the discrete portion is scaled by the factor 4p?. The first null bandwidth of unipolar RZ
is 2R Hz. The error rate performance of this line code is the same as that of the unipolar
NRZ provided we increase the voltage level of this code such that the energy in binary 1,
F, is the same for both codes. The probability of error is given by Eq. (6.2) and identified
in Fig. 6.3. If the voltage level and bit period are the same for unipolar NRZ and unipolar
RZ, then the energy in a binary 1 for unipolar RZ will be V2T /2 and the probability of
error is worse by 3 dB.

The main advantages of unipolar RZ are, again, ease of generation since it requires a single
power supply and the presence of a discrete spectral component at the symbol rate, which
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Figure 6.2b  Power spectral density of different line codes, where R = 1 /T is the bit rate.

allows simple timing recovery. A number of disadvantages exist for this line code. It has a
nonzero de component and nonzero de content, which can lead to dc wander. A long string
of 0s will lack pulse transitions and could lead to loss of synchronization. There is no error
detection capability and, hence, performance monitoring is not possible. The bandwidth
requirement (2R Hz) is higher than that of NRZ signals. The error rate performance is
worse than that of polar line codes.

Unipolar NRZ as well as unipolar RZ are examples of pulse/no-pulse type of signalling.
In this type of signalling, the pulse for a binary 0, g»(t), is zero and the pulse for a binary
1 is specified generically as g (¢) = g(t). Using G(f) as the Fourier transform of g(¢), the
PSD of pulse/no-pulse signalling is given as 6, 7, 10]

Sene(f) =p(L=p)RIG(f)? +p°R* Y |G(nR)P5(f — nR) (6:4)

n=—0co

where p is the probability of a binary 1, and R is the bit rate.

6.2.3 Polar NRZ

In this line code, a binary 1 is represented by a positive voltage +V and a binary 0 is
represented by a negative voltage —V over the full bit period. This code is also referred to
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FIGURE 6.3 Bit error probability for different line codes.

as NRZ (L), since a bit is represented by maintaining a level (L) during its entire period.
A polar NRZ waveform is shown in Fig. 6.1(c). This is again an instantaneous level code.
Alternatively, a 1 may be represented by a —V voltage level and a 0 by a +V voltage level,
without changing the spectral characteristics and performance of the line code. The PSD
of this line code with equally likely bits is given by [5, 8]

sin7rfT>2

Ss(f) = V3T < T

(6.5)

This is plotted in Fig. 6.2b. When the probability of a 1is p, and p is not 0.5, a dc
component exists, and the PSD becomes [10]

sinm fT

2
T ) + V21 -2p)%5(f) (6.6)

Sup(f) = 4V Tp(1 — p) (
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The first null bandwidth for this line code is again R Hz, independent of p. The probability
of error of this line code when p = 0.5 is given by [1, 5]

1 | Ey,
P, = Eerfc ( Fo ) (6.7)

The performance of polar NRZ is plotted in F ig. 6.3. This is better than the error perfor-
mance of the unipolar codes by 3 dB.

The advantages of polar NRZ include a low-bandwidth requirement, R Hz, comparable
to unipolar NRZ, very good error probability, and greatly reduced dc because the waveform
has a zero dc component when p = 0.5 even though the dc content is never zero. A few
notable disadvantages are that there is no error detection capability, and that a long string
of 1s or Os could result in loss of synchronization, since there are no transitions during the
string duration. Two power supplies are required to generate this code.

6.2.4 Polar RZ [Bipolar, Alternate Mark Inversion (AMI), or Pseudoternary]

In this scheme, a binary 1 is represented by alternating the positive and negative voltage
levels, which return to zero for a portion of the bit duration, generally half the bit period.
A binary 0 is represented by a zero voltage level during the entire bit duration. This
line coding scheme is often called alternate mark inversion (AMI) since 1s (marks) are
represented by alternating positive and negative pulses. It is also called pseudoternary since
three different voltage levels are used to represent binary data. Some authors designate this
line code as bipolar RZ (BRZ). An AMI waveform is shown in Fig. 6.1(d). Note that this is
a level code with memory. The AMI code is well known for its use in telephony. The PSD
of this line code with memory is given by [1, 2, 7]

(6.8)

Sup(f) = 2p(1 —~ p)R|IG(S)|? ( 1 —cos2nfT )

1+ (2p—1)2+2(2p—1)cos2nfT

where G(f) is the Fourier transform of the pulse used to represent a binary 1, and p is
the probability of a binary 1. When p = 0.5 and square pulses with amplitude £V and
duration T'/2 are used to represent binary 1s, the PSD becomes

Su(f)

vir ( sinm fT/2

2
= T2 > sin?(7 f7T) (6.9)

This PSD is plotted in Fig. 6.2a. The first null bandwidth of this waveform is R Hz. This
is true for RZ rectangular pulses, independent of the value of p in Eq. (6.8). The error rate
performance of this line code for equally likely binary data is given by [5]

P, ~ gerfc ( % ) s Eb/NO > 2 (6.10)
This curve is plotted in Fig. 6.3 and is seen to be no more than 0.5 dB worse than the
unipolar codes.

The advantages of polar RZ (or AMI, as it is most commonly called) outweigh the disad-
vantages. This code has no dc component and zero de content, completely avoiding the dc
wander problem. Timing recovery is rather easy since squaring, or full-wave rectifying, this
type of signal yields a unipolar RZ waveform with a discrete component at the bit rate, R
Hz. Because of the alternating polarity pulses for binary 1s, this code has error detection
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and, hence, performance monitoring capability. It has a low-bandwidth requirement, R Hz,
comparable to unipolar NRZ. The obvious disadvantage is that the error rate performance
is worse than that of the unipolar and polar waveforms. A long string of Os could result in
loss of synchronization, and two power supplies are required for this code.

6.2.5 Manchester Coding (Split Phase or Digital Biphase)

In this coding, a binary 1 is represented by a pulse that has positive voltage during the
first-half of the bit duration and negative voltage during second-half of the bit duration. A
binary O is represented by a pulse that is negative during the first-half of the bit duration
and positive during the second-half of the bit duration. The negative or positive midbit
transition indicates a binary 1 or binary 0, respectively. Thus, a Manchester code is classi-
fied as an instantaneous transition code; it has no memory. The code is also called diphase
because a square wave with a 0° phase is used to represent a binary 1 and a square wave
with a phase of 180° used to represent a binary 0; or vice versa. This line code is used
in Ethernet local area networks (LANs). The waveform for Manchester coding is shown in
Fig. 6.1(e). The PSD of a Manchester waveform with equally likely bits is given by [5, 8]

sinm f1/2

2
T2 > sin? (7 fT'/2) (6.11)

so() =vor

where +V are used as the positive/negative voltage levels for this code. Its spectrum is
plotted in Fig. 6.2b. When the probability p of a binary 1, is not equal to one-half, the
continuous portion of the PSD is reduced in amplitude and discrete components appear at
integer multiples of the bit rate, R = 1/T. The resulting PSD is [6, 10]

. 2
Ssp(f) = V?T4p(1—p) (%}_) sinz%jz

oo 2
+ V%1 - 2p)? (-2—> 5(f —nR (6.12)
( ) n:_%:’n;éo — o )
The first null bandwidth of the waveform generated by a Manchester code is 2R Hz. The
error rate performance of this waveform when p = 0.5 is the same as that of polar NRZ,
given by Eq. (6.9), and plotted in Fig. 6.3.

The advantages of this code include a zero dc content on an individual pulse basis, so
no pattern of bits can cause dc buildup; midbit transitions are always present making it
is easy to extract timing information; and it has good error rate performance, identical
to polar NRZ. The main disadvantage of this code is a larger bandwidth than any of the
other common codes. Also, it has no error detection capability and, hence, performance
monitoring is not possible.

Polar NRZ and Manchester coding are examples of the use of pure polar signalling where
the pulse for a binary 0, g»(t) is the negative of the pulse for a binary 1, i.e., g2(t) = —g1(%).
This is also referred to as an antipodal signal set. For this broad type of polar binary line
code, the PSD is given by [10]

oo

Sep(f) = 4p(1 = PRIG(N)> + 2p— 1)*R* ) |GmR)P6(f —nk)  (6.13)

n=—00

where |G(f)| is the magnitude of the Fourier transform of either g: (t) or ga(t).
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A further generalization of the PSD of binary line codes can be given, wherein a contin-
uous spectrum and a discrete spectrum is evident. Let a binary 1, with probability p, be
represented by g (t) over the 7' = 1/R second bit interval; and let a binary 0, with prob-
ability 1 — p, be represented by go(t) over the same T second bit interval. The two-sided
PSD for this general binary line code is [10]

See(f) = p(1—p)R|Gi(f) - Ga(f)|?
+B 37 [pGi(nR) + (1= p)Ga(nR)” 5(f — nR) (6.14)

n=—oo

where the Fourier transform of g (£) and ga(t) are given by G1(f) and Go(f), respectively.

6.3 Alternate Line Codes

Most of the line codes discussed thus far were instantaneous level codes. Only AMI had
memory, and Manchester was an instantaneous transition code. The alternate line codes
presented in this section all have memory. The first four are transition codes, where binary
data is represented as the presence or absence of a transition, or by the direction of tran-
sition, i.e., positive to negative or vice versa. The last four codes described in this section
are level line codes with memory.

6.3.1 Delay Modulation (Miller Code)

In this line code, a binary 1 is represented by a transition at the midbit position, and a
binary 0 is represented by no transition at the midbit position. If a 0 is followed by another
0, however, the signal transition also occurs at the end of the bit interval, that is, between
the two 0s. An example of delay modulation is shown in F ig. 6.1(f). It is clear that delay
modulation is a transition code with memory. This code achieves the goal of providing good
timing content without sacrificing bandwidth. The PSD of the Miller code for equally likely
data is given by [10]

vaT
2(mfT)2(17 + 8 cos 21 fT')
X (23 —2cosmfT — 22cos 2m f T
—12cos 3w fT + 5 cosdn fT + 12 cos 5w fT

+2cos6m fT —8cos7m fT + 2 cos 8m fT') (6.15)

Se(f) =

This spectrum is plotted in Fig. 6.2b. The advantages of this code are that it requires
relatively low bandwidth, most of the energy is contained in less than 0.5R. However,
there is no distinct spectral null within the 2R-Hz band. It has low dc content and no dc
component. It has very good timing content, and carrier tracking is easier than Manchester
coding. Error rate performance is comparable to that of the common line codes. One
important disadvantage is that it has no error detection capability and, hence, performance
cannot be monitored.

6.3.2 Split Phase (Mark)

This code is similar to Manchester in the sense that there are always midbit transitions.
Hence, this code is relatively easy to synchronize and has no de. Unlike Manchester, how-
ever, split phase (mark) encodes a binary digit into a midbit transition dependent on the
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midbit transition in the previous bit period [12]. Specifically, a binary 1 produces a reversal
of midbit transition relative to the previous midbit transition. A binary O produces no
reversal of the midbit transition. Certainly this is a transition code with memory. An ex-
ample of a split phase (mark) coded waveform is shown in Fig. 6.1(g), where the waveform
in the first bit period is chosen arbitrarily. Since this method encodes bits differentially,
there is no 180°-phase ambiguity associated with some line codes. This phase ambiguity
may not be an issue in most baseband links but is important if the line code is modulated.
Split phase (space) is very similar to split phase (mark), where the role of the binary 1 and
binary O are interchanged. An example of a split phase (space) coded waveform is given in
Fig. 6.1(h); again, the first bit waveform is arbitrary.

6.3.3 Biphase (Mark)

This code, designated as Bi ¢-M, is similar to a Miller code in that a binary 1 is represented
by a midbit transition, and a binary 0 has no midbit transition. However, this code always
has a transition at the beginning of a bit period [10]. Thus, the code is easy to synchronize
and has no de. An example of Bi ¢-M is given in Fig. 6.1(i), where the direction of the
transition at ¢ = 0 is arbitrarily chosen. Biphase (space) or Bi ¢-S is similar to Bi ¢-M,
except the role of the binary data is reversed. Here a binary 0 (space) produces a midbit
transition, and a binary 1 does not have a midbit transition. A waveform example of Bi
#-S is shown in Fig. 6.1(j). Both Bi ¢-S and Bi ¢-M are transition codes with memory.

6.3.4 Code Matrk Inversion (CMI)

This line code is used as the interface to a Consultative Committee on International Teleg-
raphy and Telephony (CCITT) multiplexer and is very similar to Bi ¢-S. A binary 1 is
encoded as an NRZ pulse with alternate polarity, +V or —V. A binary 0 is encoded with
a definitive midbit transition (or square wave phase) [1]. An example of this waveform is
shown in Fig. 6.1(k) where a negative to positive transition (or 180° phase) is used for a
binary 0. The voltage level of the first binary 1 in this example is chosen arbitrarily. This
example waveform is identical to Bi ¢-S shown in Fig. 6.1(j), except for the last bit. CMI
has good synchronization properties and has no dc.

6.3.5 NRZ (I)

This type of line code uses an inversion (I) to designate binary digits, specifically, a change
in level or no change in level. There are two variants of this code, NRZ mark (M) and
NRZ space (S) [5, 12]. In NRZ (M), a change of level is used to indicate a binary 1, and
no change of level is used to indicate a binary 0. In NRZ (S) a change of level is used to
indicate a binary 0, and no change of level is used to indicate a binary 1. Waveforms for
NRZ (M) and NRZ (S) are depicted in Fig. 6.1(1) and Fig. 6.1(m), respectively, where the
voltage level of the first binary 1 in the example is chosen arbitrarily. These codes are level
codes with memory. In general, line codes that use differential encoding, like NRZ (1), are
insensitive to 180° phase ambiguity. Clock recovery with NRZ (I) is not particularly good,
and dc wander is a problem as well. Its bandwidth is comparable to polar NRZ.

6.3.6 Binary N Zero Substitution (BNZS)

The common bipolar code AMI has many desirable properties of a line code. Its major
limitation, however, is that a long string of zeros can lead to loss of synchronization and
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timing jitter because there are no pulses in the waveform for relatively long periods of time.
Binary IV zero substitution (BNZS) attempts to improve AMI by substituting a special
code of length NV for all strings of N zeros. This special code contains pulses that look like
binary 1s but purposely produce violations of the AMI pulse convention. Two consecutive
pulses of the same polarity violate the AMI pulse convention, independent of the number of
zeros between the two consecutive pulses. These violations can be detected at the receiver,
and the special code replaced by N zeros. The special code contains pulses facilitating
synchronization even when the original data has long string of zeros. The special code is
chosen such that the desirable properties of AMI coding are retained despite the AMI pulse
convention violations, i.e., dc balance and error detection capability. The only disadvantage
of BNZS compared to AMI is a slight increase in crosstalk due to the increased number of
pulses and, hence, an increase in the average energy in the code.

Choosing different values of N yields different BNZS codes. The value of N is chosen to
meet the timing requirements of the application. In telephony, there are three commonly
used BNZS codes: B6ZS, B3ZS, and B8ZS. All BNZS codes are level codes with memory.

In a B6ZS code, a string of six consecutive zeros is replaced by one of two the special
codes according to the rule:

If the last pulse was positive (+), the special code is: 0+ —0— +.
If the last pulse was negative (—), the special code is: 0 -+ 0+ —.

Here a zero indicates a zero voltage level for the bit period; a plus designates a positive
pulse; and a minus indicates a negative pulse.

This special code causes two AMI pulse violations: in its second bit position and in its fifth
bit position. These violations are easily detected at the receiver and zeros resubstituted.
If the number of consecutive zeros is 12,18, 24, ..., the substitution is repeated 2,3,4,...
times. Since the number of violations is even, the B6ZS waveform is the same as the AMI
waveform outside the special code, i.e., between special code sequences.

There are four pulses introduced by the special code that facilitates timing recovery. Also,
note that the special code is dc balanced. An example of the B6ZS code is given as follows,
where the special code is indicated by the bold characters.

Originaldata: 0 1 0 0 0O 0 0 0 1 1 0 1 0O 0 0 0 0 o0 1 1
BGZSformat:0+0+~—0—+—+0—0—+0+—+~

The computation of the PSD of a B6ZS code is tedious. Its shape is given in Fig. 6.4, for
comparison purposes with AMI, for the case of equally likely data.

In a B3ZS code, a string of three consecutive zeros is replaced by either BOV or 00V,
where B denotes a pulse obeying the AMI (bipolar) convention and V' denotes a pulse
violating the AMI convention. BOV or 00V is chosen such that the number of bipolar (B)
pulses between the violations is odd. The B3ZS rules are summarized in Table 6.1.

TABLE 6.1 B3ZS Substitution Rules

Number of B Pulses Polarity of Last Substitution  Substitution

Since Last Violation B Pulse Code Code Form
0Odd Negative (—) 00- (117

0Odd Positive (+) 00+ [[1}%

Even Negative (—) +0+ BOV

Even Positive (+) -0- BOV
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FIGURE 6.4 Power spectral density of different line codes, where R = 1/T s the bit rate.

Observe that the violation always occurs in the third bit position of the substitution
code, and so it can be easily detected and zero replacement made at the receiver. Also,
the substitution code selection maintains dc balance. There is either one or two pulses in
the substitution code, facilitating synchronization. The error detection capability of AMI
is retained in B3ZS because a single channel error would make the number of bipolar pulses
between violations even instead of being odd. Unlike B6ZS, the B3ZS waveform between
violations may not be the same as the AMI waveform. B3ZS is used in the digital signal-3
(DS-3) signal interface in North America and also in the long distance-4 (LD-4) coaxial
transmission system in Canada. Next is an example of a B3ZS code, using the same symbol
meaning as in the B6ZS code.

Original data: 1 0 0 1 o0 0 O 1 1 0 0 0O O 1 0 0 O 1
B3ZS format:

Even No. of Bpulse: + 0 0 — + 0 + — + - 0 -— o + 0 0 + -
Odd No. of B pulses: + 0 0 - 0 0 - +4+ - + 0 + 0 —-— 0 0 — +

The last BNZS code considered here uses N = 8. A B8ZS code is used to provide
transparent channels for the Integrated Services Digital Network (ISDN) on T1 lines and is
similar to the B6ZS code. Here a string of eight consecutive zeros is replaced by one of two
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special codes according to the following rule:

If the last pulse was positive (+), the special code is: 000+ -0 — 4.
If the last pulse was negative (), the special code is: 000 -4 0+ —.

There are two bipolar violations in the special codes, at the fourth and seventh bit posi-
tions. The code is dc balanced, and the error detection capability of AMI is retained. The
waveform between substitutions is the same as that of AML If the number of consecutive
zeros is 16,24, ..., then the substitution is repeated 2,3,. .., times.

6.3.7 High-Density Bipolar N (HDBN)

This coding algorithm is a CCITT standard recommended by the Conference of Furopean
Posts and Telecommunications Administrations (CEPT), a European standards body. It
is quite similar to BNZS coding. It is thus a level code with memory. Whenever there is
a string of N + 1 consecutive zeros, they are replaced by a special code of length N 41
containing AMI violations. Specific codes can be constructed for different values of N.
A specific high-density bipolar N (HDBN) code, HDB3, is implemented as a CEPT
primary digital signal. It is very similar to the B3ZS code. In this code, a string of four
consecutive zeros is replaced by either BOOV or 000V. BOOV or 000V is chosen such
that the number of bipolar (B) pulses between violations is odd. The HDB3 rules are
summarized in Table 6.2.

TABLE 6.2 HDB3 Substitution Rules

Number of B Pulses  Polarity of Last  Substitution  Substitution

Since Last Violation B Pulse Code Code Form
Odd Negative (—) 000- 000V

0dd Positive (4) 000+ 000V

Even Negative (—) +00+ BOOV
BEven Positive (+) -00- B00OV

Here the violation always occurs in the fourth bit position of the substitution code, so that
it can be easily detected and zero replacement made at the receiver. Also, the substitution
code selection maintains dc balance. There is either one or two pulses in the substitution
code facilitating synchronization. The error detection capability of AMI is retained in HDB3
because a single channel error would make the number of bipolar pulses between violations
even instead of being odd.

6.3.8 Ternary Coding

Many line coding schemes employ three symbols or levels to represent only one bit of
information, like AMI. Theoretically, it should be possible to transmit information more
efficiently with three symbols, specifically the maximum efficiency is log, 3 = 1.58 bits per
symbol. Alternatively, the redundancy in the code signal space can be used to provide better
error control. Two examples of ternary coding are described next [1, 2]: pair selected
ternary (PST) and 4 binary 3 ternary (4B3T). The PST code has many of the
desirable properties of line codes, but its transmission efficiency is still 1 bit per symbol.
The 4B3T code also has many of the desirable properties of line codes, and it has increased
transmission efficiency.
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In the PST code, two consecutive bits, termed a binary pair, are grouped together to
form a word. These binary pairs are assigned codewords consisting of two ternary symbols,
where each ternary symbol can be +, —, or 0, just as in AMIL There are nine possible
ternary codewords. Ternary codewords with identical elements, however, are avoided, i.e.,
++, ——, and 00. The remaining six codewords are transmitted using two modes called +
mode and — mode. The modes are switched whenever a codeword with a single pulse is
transmitted. The PST code and mode switching rules are summarized in Table 6.3.

TABLE6.3 PST Codeword Assignment and Mode

Switching Rules
Ternary Codewords  Mode
Binary Pair + Mode — Mode  Switching
11 + — + — No
10 + 0 -0 Yes
01 0+ 0 - Yes
00 -+ — + No

PST is designed to maintain dc balance and include a strong timing component. One
drawback of this code is that the bits must be framed into pairs. At the receiver, an
out-of-frame condition is signalled when unused ternary codewords (++, ——, and 00) are
detected. The mode switching property of PST provides error detection capability. PST
can be classified as a level code with memory.

If the original data for PST coding contains only 1s or Os, an alternating sequence of +—
4+— ... is transmitted. As a result, an out-of-frame condition can not be detected. This
problem can be minimized by using the modified PST code as shown in Table 6.4.

TABLE 6.4 Modified PST Codeword Assignment
and Mode Switching Rules

Ternary Codewords  Mode

Binary Pair + Mode — Mode  Switching
11 + 0 0 — Yes
10 + — + — No
01 -+ -+ No
00 0+ -0 Yes

It is tedious to derive the PSD of a PST coded waveform. Again, Fig. 6.4 shows the PSD
of the PST code along with the PSD of AMI and B6ZS for comparison purposes, all for
equally likely binary data. Observe that PST has more power than AMI and, thus, a larger
amount of energy per bit, which translates into slightly increased crosstalk.

In 4B3T coding, words consisting of four binary digits are mapped into three ternary
symbols. Four bits imply 21 = 16 possible binary words, whereas three ternary symbols
allow 33 = 27 possible ternary codewords. The binary-to-ternary conversion in 4B3T insures
dc balance and a strong timing component. The specific codeword assignment is as shown
in Table 6.5.
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TABLE 6.5 4B3T Codeword Assignment

Ternary Codewords

Binary Words  Column 1 Column 2 Column 3

0000 - - + 4+
0001 -—-0 ++0
0010 -0 - +0 +
0011 0~ — 0+ +
0100 - = ++ -
0101 -+ - + -+
0110 +- - -+ +
0111 -00 +00
1000 0-o0 0+0
1001 00— 00+
1010 04—
1011 0-+
1100 +0-—
1101 -0+
1110 +-0
1111 —+0

There are three types of codewords in Table 6.5, organized into three columns. The
codewords in the first column have negative de, codewords in the second column have zero
de, and those in the third column have positive dc. The encoder monitors the integer
variable

I=N,—N,, (6.16)

where N, is the number of positive pulses transmitted and N,, are the number of negative
pulses transmitted. Codewords are chosen according to following rule:

If I <0, choose the ternary codeword from columns 1 and 2.
If I>0, choosethe ternary codeword from columns 2 and 3.

If I'=0, choose the ternary word from column 2, and from column 1
if the previous I > 0 or from column 3 if the previous I < 0.

Note that the ternary codeword 000 is not used, but the remaining 26 codewords are used
in a complementary manner. For example, the column 1 codeword for 0001 is —~—0, whereas
the column 3 codeword is ++0. The maximum transmission efficiency for the 4B3T code is
1.33 bits per symbol compared to 1 bit per symbol for the other line codes. The disadvan-
tages of 4B3T are that framing is required and that performance monitoring is complicated.
The 4B3T code is used in the T'148 span line developed by ITT Telecominunications. This
code allows transmission of 48 channels using only 50% more bandwidth than required by
T1 lines, instead of 100% more bandwidth.

6.4 Multilevel Signalling, Partial Response Signalling,
and Duobinary Coding

Ternary coding, such as 4B3T, is an example of the use of more than two levels to im-
prove the transmission efficiency. To increase the transmission efficiency further, more
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levels and/or more signal processing is needed. Multilevel signalling allows an improvement
in the transmission efficiency at the expense of an increase in the error rate, i.e., more
transmitter power will be required to maintain a given probability of error. In partial re-
sponse signalling, intersymbol interference is deliberately introduced by using pulses that
are wider and, hence, require less bandwidth. The controlled amount of interference from
each pulse can be removed at the receiver. This improves the transmission efficiency, at the
expense of increased complexity. Duobinary coding, a special case of partial response
signalling, requires only the minimum theoretical bandwidth of 0.5R Hz. In what follows
these techniques are discussed in slightly more detail.

6.4.1 Multilevel Signalling

The number of levels that can be used for a line code is not restricted to two or three.
Since more levels or symbols allow higher transmission efficiency, multilevel signalling can
be considered in bandwidth-limited applications. Specifically, if the signalling rate or baud
rate is Rs; and the number of levels used is L, the equivalent transmission bit rate Rj is
given by

Ry = Rslogy[L] . (6.17)

Alternatively, multilevel signalling can be used to reduce the baud rate, which in turn
can reduce crosstalk for the same equivalent bit rate. The penalty, however, is that the
SNR must increase to achieve the same error rate. The T1G carrier system of AT&T uses
multilevel signalling with L = 4 and a baud rate of 3.152 mega-symbols/s to double the
capacity of the T1C system from 48 channels to 96 channels. Also, a four level signalling
scheme at 80-kB is used to achieve 160 kb/s as a basic rate in a digital subscriber loop
(DSL) for ISDN.

6.4.2 Partial Response Signalling and Duobinary Coding

This class of signalling is also called correlative coding because it purposely introduces a
controlled or correlated amount of intersymbol interference in each symbol. At the receiver,
the known amount of interference is effectively removed from each symbol. The advantage
of this signalling is that wider pulses can be used requiring less bandwidth, but the SNR
must be increased to realize a given error rate. Also, errors can propagate unless precoding
is used.

There are many commonly used partial response signalling schemes, often described in
terms of the delay operator D, which represents one signalling interval delay. For example,
in (1 + D) signalling the current pulse and the previous pulse are added. The T1D system
of AT&T uses (1 + D) signalling with precoding, referred to as duobinary signalling, to
convert binary (two level) data into ternary (three level) data at the same rate. This requires
the minimum theoretical channel bandwidth without the deleterious effects of intersymbol
interference and avoids error propagation. Complete details regarding duobinary coding are
found in Lender, 1963 and Schwartz, 1980. Some partial response signalling schemes, such
as (1 — D), are used to shape the bandwidth rather than control it. Another interesting
example of duobinary coding is a (1 — D?), which can be analyzed as the product (1 — D)
(1+ D). Tt is used by GTE in its modified T carrier system. AT&T also uses (1 — D?)
with four input levels to achieve an equivalent data rate of 1.544 Mb/s in only a 0.5-MHz
bandwidth.
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6.5 Bandwidth Comparison

We have provided the PSD expressions for most of the commonly used line codes. The
actual bandwidth requirement, however, depends on the pulse shape used and the definition
of bandwidth itself. There are many ways to define bandwidth, for example, as a percentage
of the total power or the sidelobe suppression relative to the main lobe. Using the first null
of the PSD of the code as the definition of bandwidth, Table 6.6 provides a useful bandwidth
comparison.

TABLE 6.6  First Null Bandwidth Comparison

Bandwidth Codes
Unipolar NRZ BNZS

R Polar NRZ HDBN
Polar RZ (AMI) PST

2R Unipolar RZ Split Phase
Manchester CMI

The notable omission in Table 6.6 is delay modulation (Miller code). It does not have a
first null in the 2R-Hz band, but most of its power is contained in less than 0.5R Hz.

6.6 Concluding Remarks

An in-depth presentation of line coding, particularly applicable to telephony, has been
included in this chapter. The most desirable characteristics of line codes were discussed.
We introduced five common line codes and eight alternate line codes. Each line code
was illustrated by an example waveform. In most cases expressions for the PSD and the
probability of error were given and plotted. Advantages and disadvantages of all codes
were included in the discussion, and some specific applications were noted. Line codes
for optical fiber channels and networks built around them, such as fiber distributed data
interface (FDDI) were not included in this section. A discussion of line codes for optical
fiber channels, and other new developments in this topic area can be found in [1, 3, 4].

Defining Terms

Alternate mark inversion (AMI): A popular name for bipolar line coding using
three levels: zero, positive, and negative.

Binary N zero substitution (BNZS): A class of coding schemes that attempts to
improve AMI line coding.

Bipolar: A particular line coding scheme using three levels: zero, positive, and nega-
tive.

Crosstalk: An unwanted signal from an adjacent channel.

DC wander: The dc level variation in the received signal due to a channel that cannot
support dc.

Duobinary coding: A coding scheme with binary input and ternary output requiring
the minimum theoretical channel bandwidth.
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4 Binary 3 Ternary (4B3T): A line coding scheme that maps four binary digits
into three ternary symbols.

High-density bipolar N (HDBN): A class of coding schemes that attempts to im-
prove AMI.

Level codes: Line codes carrying information in their voltage levels.

Line coding: The process of converting abstract symbols into real, temporal wave-
forms to be transmitted through a baseband channel.

Nonreturn to zero (NRZ): A signal that stays at a nonzero level for the entire bit
duration.

Pair selected ternary (PST): A coding scheme based on selecting a pair of three
level symbols.

Polar: A line coding scheme using both polarity of voltages, with or without a zero
level.

Return to zero (RZ): A signal that returns to zero for a portion of the bit duration.

Transition codes: Line codes carrying information in voltage level transitions.

Unipolar: A line coding scheme using only one polarity of voltage, in addition to a
zero level.
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7.1 Introduction

Full-duplex data transmission over a single twisted-pair cable permits the simultaneous
flow of information in two directions when the same frequency band is used. Examples
of applications of this technique are found in digital communications systems that operate
over the telephone network. In a digital subscriber loop, at each end of the full-duplex
link, a circuit known as a hybrid separates the two directions of transmission. To avoid
signal reflections at the near- and far-end hybrid, a precise knowledge of the line impedance
would be required. Since the line impedance depends on line parameters that, in general,
are not exactly known, an attenuated and distorted replica of the transmit signal leaks to
the receiver input as an echo signal. Data-driven adaptive echo cancellation mitigates the
effects of impedance mismatch.

A similar problem is caused by crosstalk in transmission systems over voice-grade un-
shielded twisted-pair cables for local-area network applications, where multipair cables are
used to physically separate the two directions of transmission. Crosstalk is a statistical phe-
nomenon due to randomly varying differential capacitive and inductive coupling between
adjacent two-wire transmission lines. At the rates of several megabits per second that are
usually considered for local-area network applications, near-end crosstalk (NEXT) repre-
sents the dominant disturbance; hence adaptive NEXT cancellation must be performed to
ensure reliable communications.

In voiceband data modems, the model for the echo channel is considerably different from
the echo model adopted in baseband transmission. The transmitted signal is a passband
signal obtained by quadrature amplitude modulation (QAM), and the far-end echo may
exhibit significant carrier-phase jitter and carrier-frequency shift, which are caused by signal
processing at intermediate points in the telephone network. Therefore, a digital adaptive
echo canceller for voiceband modems needs to embody algorithms that account for the
presence of such additional impairments.

0-8493-8597-0/99/$0.00+$.50
©® 1999 by CRC Press LLC 7-1
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In this chapter, we describe the echo channel models and adaptive echo canceller struc-
tures that are obtained for various digital communications systems, which are classified
according to the employed modulation techniques. We also address the tradeoffs between
complexity, speed of adaptation, and accuracy of cancellation in adaptive echo cancellers.

7.2 Echo Cancellation for Pulse-Amplitude Modulation (PAM)
Systems

The model of a full-duplex baseband data transmission system employing pulse-amplitude
modulation (PAM) and adaptive echo cancellation is shown in Fig. 7.1. To describe system
operations, we consider one end of the full-duplex link. The configuration of an echo can-
celler for a PAM transmission system is shown in Fig. 7.2. The transmitted data consist
of a sequence {a,} of independent and identically distributed (i.i.d.) real-valued symbols
from the M-ary alphabet A = {£1,43,...,+(M — 1)}. The sequence {a,} is converted
into an analog signal by a digital-to-analog (D/A) converter. The conversion to a stair-
case signal by a zero-order hold D/A converter is described by the frequency response
Hp/a(f) = Tsin(nfT)/(nfT), where T is the modulation interval. The D/A converter
output is filtered by the analog transmit filter and is input to the channel through the
hybrid.

{a,} {an)
D/A Transmit Receive +
) = > b= Sampler Detector (=
converte| filter filter
Echo
Hybrid Hybrid Echo
canceller canceller
AR
{an} {af}
-«—| Detector | Sampler fe Receive = -~ Transmit D/A
+ filter filter converter|

FIGURE7.1 Model of a full-duplex PAM transmission system.

The signal «(¢) at the output of the low-pass analog receive filter has three components,
namely, the signal from the far-end transmitter (¢), the echo u(t), and additive Gaussian
noise w(t). The signal z(¢) is given by

z(t) = rt)+u(t)+w()
= Z alh(t — nT) + Z anhg(t —nT) +w(t), (7.1)

where {af} is the sequence of symbols from the remote transmitter, and h(t) and hg(t) =
{hp/a ® gr}(t) are the impulse responses of the overall channel and the echo channel, re-
spectively. In the expression of hg(t), the function hp/a (t) is the inverse Fourier transform
of Hp,a(f), and the operator ® denotes convolution. The signal obtained after echo cancel-
lation is processed by a detector that outputs the sequence of estimated symbols {a*}. In
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FIGURE7.2 Configuration of an echo canceller for a PAM transmission system.

the case of full-duplex PAM data transmission over multi-pair cables for local-area network
applications, where NEXT represents the main disturbance, the configuration of a digital
NEXT canceller is obtained from Fig. 7.2, with the echo channel replaced by the crosstalk
channel. For these applications, however, instead of mono-duplex transmission, where one
pair is used to transmit only in one direction and the other pair to transmit only in the
reverse direction, dual-duplez transmission may be adopted. Bi-directional transmission at
rate p over two pairs is then accomplished by full-duplex transmission of data streams at
rate p/2 over each of the two pairs. The lower modulation rate and/or spectral efficiency
required per pair for achieving an aggregate rate equal to g represents an advantage of
dual-duplex over mono-duplex transmission. Dual-duplex transmission requires two trans-
mitters and two receivers at each end of a link, as well as separation of the simultaneously
transmitted and received signals on each pair, as illustrated in Fig. 7.3. In dual-duplex
transceivers it is therefore necessary to suppress echoes returning from the hybrids and
impedance discontinuities in the cable, as well as self NEXT, by adaptive digital echo and
NEXT cancellation [3]. Although a dual-duplex scheme might appear to require higher
implementation complexity than a mono-duplex scheme, it turns out that the two schemes
are equivalent in terms of the number of multiply-and-add operations per second that are
needed to perform the various filtering operations.

Tx Rate g/2 Tx
Q

Rate o ) * «— * ( Rate o
— S— e e e~ - —oumme— | | »EE—

Rev o Rov \\
External echo } Loop
Pl seli-NEXT /l timing

T x /

/

DN )T /Y . | E
Rate o ——p Rate ¢

Rev Rcv

echo Rate g/2

FIGURE7.3 Model of a dual-duplex transmission system.
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One of the transceivers in a full-duplex link will usually employ an externally provided
reference clock for its transmit and receive operations. The other transceiver will extract
timing from the received signal, and use this timing for its transmitter operations. This is
known as loop timing, also illustrated in Fig. 7.3. If signals were transmitted in opposite
directions with independent clocks, signals received from the remote transmitter would
generally shift in phase relative to the also received echo signals. To cope with this effect,
some form of interpolation would be required that can significantly increase the transceiver
complexity [2].

In general, we consider baseband signalling techniques such that the signal at the out-
put of the overall channel has nonnegligible excess bandwidth, i.e., nonnegligible spectral
components at frequencies larger than half of the modulation rate, |f| > 1/27T". Therefore,
to avoid aliasing, the signal z(¢) is sampled at twice the modulation rate or at a higher
sampling rate. Assuming a sampling rate equal to m/T,m > 1, the ith sample during the
nth modulation interval is given by

T )
z [(nm + Z)E = ZTpm+i = Tnm+i T Unm+i + Wnmti, t=0,....m-1

o0 o0
Z Phmtial_j + Z hE kmtitn—t + Wpmti (7.2)

k=~o00 k=—~o0

where {hpm4s, ¢ = 0,...,m — 1} and {hgnm+i, 4 = 0,...,m — 1} are the discrete-time
impulse responses of the overall channel and the echo channel, respectively, and {wpm 14,4 =
0,...,m — 1} is a sequence of Gaussian noise samples with zero mean and variance o2,
Equation (7.2) suggests that the sequence of samples {14, i =0,...,m—1} be regarded
as a set of m interleaved sequences, each with a sampling rate equal to the modulation rate.
Similarly, the sequence of echo samples {upm+i, 7 = 0,...,m—1} can be regarded as a set of
m interleaved sequences that are output by m independent echo channels with discrete-time
impulse responses {hgnm+i}, ¢ = 0,...,m — 1, and an identical sequence {a,} of input
symbols [7]. Hence, echo cancellation can be performed by m interleaved echo cancellers,
as shown in Fig. 7.4. Since the performance of each canceller is independent of the other
m — 1 units, in the remaining part of this section we will consider the operations of a single
echo canceller.

The echo canceller generates an estimate i, of the echo signal. If we consider a transversal
filter realization, 4, is obtained as the inner product of the vector of filter coefficients at

time ¢ = nT, ¢, = (cn,0,...,cn,N—1)" and the vector of signals stored in the echo canceller
delay line at the same instant, a, = (an,...,an—n+1)’, expressed by
N-1
Uy = C/nan = Z Cn,kOn—k (7.3)
k=0

where ¢), denotes the transpose of the vector ¢,. The estimate of the echo is subtracted
from the received signal. The result is defined as the cancellation error signal

2y =Ty~ Uy = Ty — CLa, . (7.4)

The echo attenuation that must be provided by the echo canceller to achieve proper
system operation depends on the application. For example, for the Integrated Services
Digital Network (ISDN) U-Interface transceiver, the echo attenuation must be larger than
55 dB [10]. It is then required that the echo signals outside of the time span of the echo
canceller delay line be negligible, i.e., hg, ~ 0forn < 0 and n > N — 1. As a measure
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FIGURE 7.4 A set of m interleaved echo cancellers.

of system performance, we consider the mean square error €2 at the output of the echo
canceller at time t = nT', defined by

e2=E{z2} , (7.5)

where {2y} is the error sequence and E{-} denotes the expectation operator. For a particular
coefficient vector ¢, substitution of Eq. (7.4) into Eq. (7.5) yields

e2=E{z2} -2c,qg+c,Re,, (7.6)

where ¢ = E{zna,} and R = E{anal}. With the assumption of ii.d. transmitted
symbols, the correlation matrix R is diagonal. The elements on the diagonal are equal to
the variance of the transmitted symbols, 02 = (M? — 1)/3. The minimum mean square
error is given by

6ﬁ1in =F {.’L‘i} - cgptRcopt ) (7-7)

where the optimum coefficient vector is copt = R~'q. We note that proper system operation
is achieved only if the transmitted symbols are uncorrelated with the symbols from the
remote transmitter. If this condition is satisfied, the optimum filter coefficients are given
by the values of the discrete-time echo channel impulse response, i.e., Coptk = hg gk =
0,...,N —1.

By the decision-directed stochastic gradient algorithm, also known as the least mean
square (LMS) algorithm, the coefficients of the echo canceller converge in the mean to cops.
The LMS algorithm for an N-tap adaptive linear transversal filter is formulated as follows:

1
Cnt1 = Cp — Eavc {zi} =cC, + azpay , (7.8)

where « is the adaptation gain and

2 2 /
VC {z'rzt} = ( 82"71 8zn ) = _2Zna'n

yeens
8Cn,0 8Cn,N—1
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FIGURE7.5 Block diagram of an adaptive transversal filter echo canceller.

is the gradient of the squared error with respect to the vector of coefficients. The block
diagram of an adaptive transversal filter echo canceller is shown in Fig. 7.5.
If we define the vector p,, = Copt — €y, the mean square error can be expressed as

e2=¢2. +p Rp, , (7.9)
where the term p], R p,, represents an ‘excess mean square distortion’ due to the misadjust-
ment of the filter settings. The analysis of the convergence behavior of the excess mean
square distortion was first proposed for adaptive equalizers [13] and later extended to adap-
tive echo cancellers [9]. Under the assumption that the vectors P, and a, are statistically
independent, the dynamics of the mean square error are given by

22,
—min 7.10
2—aNg2’ (7.10)

E {si} =e] [1-ao?(2- aNag)]n +
where €2 is determined by the initial conditions. The mean square error converges to a
finite steady-state value €2, if the stability condition 0 < a < 2/(No?2) is satisfied. The
optimum adaptation gain that yields fastest convergence at the beginning of the adaptation
process is aop, = 1/(No2). The corresponding time constant and asymptotic mean square
error are Topy = N and €2, = 2¢2. | respectively.

We note that a fixed adaptation gain equal to agpy could not be adopted in practice,
since after echo cancellation the signal from the remote transmitter would be embedded in a
residual echo having approximately the same power. If the time constant of the convergence
mode is not a critical system parameter, an adaptation gain smaller than Qopy Will be
adopted to achieve an asymptotic mean square error close to €2. . On the other hand, if
fast convergence is required, a variable gain will be chosen.

Several techniques have been proposed to increase the speed of convergence of the LMS
algorithm. In particular, for echo cancellation in data transmission, the speed of adaptation
is reduced by the presence of the signal from the remote transmitter in the cancellation error.
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To mitigate this problem, the data signal can be adaptively removed from the cancellation
error by a decision-directed algorithm [5].

Modified versions of the LMS algorithm have been also proposed to reduce system com-
plexity. For example, the sign algorithm suggests that only the sign of the error signal be
used to compute an approximation of the stochastic gradient [4]. An alternative means to
reduce the implementation complexity of an adaptive echo canceller consists in the choice
of a filter structure with a lower computational complexity than the transversal filter.

At high data rates, very large scale integration (VLSI) technology is needed for the im-
plementation of transceivers for full-duplex data transmission. High-speed echo cancellers
and near-end crosstalk cancellers that do not require multiplications represent an attractive
solution because of their low complexity. As an example of an architecture suitable for VLSI
implementation, we consider echo cancellation by a distributed-arithmetic filter, where mul-
tiplications are replaced by table lookup and shift-and-add operations [12]. By segmenting
the echo canceller into filter sections of shorter lengths, various tradeoffs concerning the
number of operations per modulation interval and the number of memory locations needed
to store the lookup tables are possible. Adaptivity is achieved by updating the values stored
in the lookup tables by the LMS algorithm.

To describe the principles of operations of a distributed-arithmetic echo canceller, we
assume that the number of elements in the alphabet of input symbols is a power of two,

M = 2% . Therefore, each symbol is represented by the vector (a,(lo), . .,a%w_l)), where
a,(f ), i=0,...,W — 1, are independent binary random variables, i.e.,
w—1 W1
=3 (2a,<;“> - 1) 2w = 3 b2 (7.11)
w=0 w=0

where b8 = (2a$¢w) —1) € {~1,+1}. By substituting Eq. (7.11) into Eq. (7.1) and seg-
menting the delay line of the echo canceller into L sections with K = N/L delay elements

each, we obtain
L-1W—

= Z [Z bk —iCn, eK+k} : (7.12)

=0 w=0

Equation (7.12) suggests that the filter output can be computed using a set of L2K

values that are stored in L tables with 2% memory locations each. The binary vectors a( )

(an—(e+1)K+1’ ca™ ), w=0,...,W—1,£=0,...,L — 1, determine the addlesses

of the memory locations where the values that are needed to compute the filter output are
stored. The filter output is obtained by WL table lookup and shift-and-add operations.

We observe that a(w) and its binary complement a( 2 select two values that differ only

in their sign. This symmetry is exploited to halve the number of values to be stored.
To determine the output of a distributed-arithmetic filter with reduced memory size, we
reformulate Eq. (7.12) as

—~1W— K-1
Z Z wbi )EK ko | CrnstK+ko + bsi)zx—ko Z bfmw—-)ﬁK—kcnny‘Fk ) (7.13)
=0 w=0 —

Ko

where kg can be any element of the set {0,..., K — 1}. In the following, we take ko = 0.
Then the binary symbols b( ok determine whether the selected values are to be added or
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subtracted. Each table has now 2% ~! memory locations, and the filter output is given by

L-1W-1
=3 Y U (21) an
=0 w=0
where d (k 0), k=0,...,25"1~1,£=0,...,L —1, are the look up values, and 5. e, w =
0,...,.W—-1,¢= O , L —1, are the look up 1nd1ces computed as follows:
Z e K250 ol =1
(w) k=1
i, = . (7.15)
’ K-—1
ai@makﬂ_l if av(zui)ZK =

We note that, as long as Eqs. (7.12) and (7.13) hold for some coefficient vector
(€n,0y -+ Cn,n—1), the distributed-arithmetic filter emulates the operation of a linear
transversal filter. For arbitrary values d,,(k,¢), however, a nonlinear filtering operation
results.

The expression of the LMS algorithm to update the values of a distributed-arithmetic
echo canceller takes the form

1
doy1=d, — §avd {sz} =d, + azy, , (7.16)

where d;, = [d},(0),...,d,,(L — 1)], with d,(¢) = [dn(0,£),...,dn (25" = 1,£)], and g/, =

y,/n(g) Z zwbn VK < 0, S—:t][), .. .,621{~1_1’1‘£:’Z)) 3

are L x 1 vectors and where §; ; is the Kronecker delta. We note that at each iteration
only those values that are selected to generate the filter output are updated. The block
diagram of an adaptive distributed-arithmetic echo canceller with input symbols from a
quaternary alphabet is shown in Fig. 7.6.

The analysis of the mean square error convergence behavior and steady-state performance
has been extended to adaptive distributed-arithmetic echo cancellers [1]. The dynamics of
the mean square error are given by

2K~1

n 2
E{el} =€} 2 (2 alLo )} + 23% . (7.17)

The stability condition for the echo canceller is 0 < o < 2/(Lo?2). For a given adaptation
gain, echo canceller stability depends on the number of tables and on the variance of the
transmitted symbols. Therefore, the time span of the echo canceller can be increased
without affecting system stability, provided that the number L of tables is kept constant. In
that case, however, mean square error convergence will be slower. From Eq. (7.17), we find
that the optimum adaptation gain that permits the fastest mean square error convergence
at the beginning of the adaptation process is aopy = 1/(Lo2). The time constant of the
convergence mode is Topt = L2571, The smallest achievable time constant is proportional
to the total number of values. The realization of a distributed-arithmetic echo canceller can
be further simplified by updating at each iteration only the values that are addressed by
the most significant bits of the symbols stored in the delay line. The complexity required
for adaptation can thus be reduced at the price of a slower rate of convergence.
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FIGURE7.6 Block diagram of an adaptive distributed-arithmetic echo canceller.

7.3 Echo Cancellation for Quadrature Amplitude
Modulation (QAM) Systems

Although most of the concepts presented in the preceding sections can be readily extended
to echo cancellation for communications systems employing QAM, the case of full-duplex
transmission over a voiceband data channel requires a specific discussion. We consider
the system model shown in Fig. 7.7. The transmitter generates a sequence {a,} of i.i.d.
complex-valued symbols from a two-dimensional constellation A, which are modulated by
the carrier e/27/e?T where T and f. denote the modulation interval and the carrier fre-
quency, respectively. The discrete-time signal at the output of the transmit Hilbert filter
may be regarded as an analytic signal, which is generated at the rate of m/T" samples/s,
m > 1. The real part of the analytic signal is converted into an analog signal by a D/A
converter and input to the channel. We note that by transmitting the real part of a complex-
valued signal positive- and negative-frequency components become folded. The image band
attenuation of the transmit Hilbert filter thus determines the achievable echo suppression.
In fact, the receiver cannot extract aliasing image-band components from desired passband
frequency components, and the echo canceller is able to suppress only echo arising from
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transmitted passband components.
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FIGURE7.7 Configuration of an echo canceller for a QAM transmission system.

The output of the echo channel is represented as the sum of two contributions. The near-
end echo uNE(t) arises from the impedance mismatch between the hybrid and the trans-
mission line, as in the case of baseband transmission. The far-end echo u"T(t) represents
the contribution due to echos that are generated at intermediate points in the telephone
network. These echos are characterized by additional impairments, such as jitter and fre-
quency shift, which are accounted for by introducing a carrier-phase rotation of an angle
¢(t) in the model of the far-end echo.

At the receiver, samples of the signal at the channel output are obtained synchronously
with the transmitter timing, at the sampling rate of m/T samples/s. The discrete-time
received signal is converted to a complex-valued baseband signal {©yms44,% =0, ...,m'—1},
at the rate of m//T samples/s, 1 < m’ < m, through filtering by the receive Hilbert filter,
decimation, and demodulation. From delayed transmit symbols, estimates of the near-

and far-end echo signals after demodulation, {4}~ ;, i = 0,...,m' — 1} and {4FE, i
i =0,...,m' — 1}, respectively, are generated using m’ interleaved near- and far-end echo

cancellers. The cancellation error is given by
zo=a¢ — )T — L P . (7.18)

A different model is obtained if echo cancellation is accomplished before demodulation.
In this case, two equivalent configurations for the echo canceller may be considered. In one
configuration, the modulated symbols are input to the transversal filter, which approximates
the passband echo response. Alternatively, the modulator can be placed after the transversal
filter, which is then called a baseband transversal filter [14].

In the considered realization, the estimates of the echo signals after demodulation are
given by

Nng—1
Uprs = ) Onbmopilnk, = 0,...,m —1, (7.19)
k=0
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and
Nre—1 R
-FE FE - . . /
Uy 45 = E Cp km/+i%n—k~Drp el Prmi+i i=0,....,m -1, (7.20)
k=0
where (cN5,...,cNE nug_1) and (c5%, ..., e N —1) are the coefficients of the m’ inter-
leaved near- and far-end echo cancellers, respectively, {¢nm'+i,2 = 0,...,m’ — 1} is the

sequence of far-end echo phase estimates, and Dpg denotes the bulk delay accounting for
the round-trip delay from the transmitter to the point of echo generation. To prevent
overlap of the time span of the near-end echo canceller with the time span of the far-end
echo canceller, the condition Dpg > Nng must be satisfied. We also note that, because
of the different nature of near- and far-end echo generation, the time span of the far-end
echo canceller needs to be larger than the time span of the near-end echo canceller, i.e.,
Nyg > NnE.

Adaptation of the filter coefficients in the near- and far-end echo cancellers by the LMS
algorithm leads to

NE _  _NE *
Cnt+l,km/'+i =  Cnkm/+i + aznm/+i(an—k)
k = 0,...,Nng —1, i=0,...,m —1, (7.21)
and
FE FE —jd .
Cntikm/4i = Cnkmi4i T QZnm' +i(On—k—Drg) € IOnm!+s
k = 0,...,Npg — 1, i=0,...,m -1, (7.22)

respectively, where the asterisk denotes complex conjugation.
The far-end echo phase estimate is computed by a second-order phase-lock loop algorithm,
where the following stochastic gradient approach is adopted:

boy1 = o~ %’)’FEng |2<g|2 + Ady (mod 2m)

) , (7.23)
Appp1 = Age — 5¢ruV g |2
where £ =nm’ +14, i =0,...,m' — 1,ypg and (pg are step-size parameters, and
17} 2y 2 N *
' |2 = —82)—' = —QIm{zg (a5) } . (7.24)
¢

We note that algorithm (7.23) requires m’ iterations per modulation interval, i.e., we cannot
resort to interleaving to reduce the complexity of the computation of the far-end echo phase
estimate.

7.4 Echo Cancellation for Orthogonal Frequency Division
Multiplexing (OFDM) Systems

Orthogonal frequency division multiplexing (OFDM) is a modulation technique whereby
blocks of M symbols are transmitted in parallel over M subchannels by employing M
orthogonal subcarriers. We consider a real-valued discrete-time channel impulse response
{hi,i = 0,...,L} having length L +1 <« M. To illustrate the basic principles of OFDM
systems, let us consider a noiseless ideal channel with impulse response given by {h;} = {4},
where {6;} is defined as the discrete-time delta function. Modulation of the complex-valued
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input symbols at the n-th modulation interval, denoted by the vector A, = {A,(),i =
0,...,M — 1}, is performed by an inverse discrete Fourier transform (IDFT), as shown in
Fig. 7.8. We assume that M is even, and that each block of symbols satisfies the Hermitian
symmetry conditions, i.e., A,(0) and A,(M/2) are real valued, and A, (i) = A%(M — 1),
i=1,...,M/2—1. Then the signals a, = {a,(i),i =0,..., M — 1} obtained at the output
of the IDFT are real valued. After parallel-to-serial conversion, the M signals are sent over
the channel at the given transmission rate M /T, where T denotes the modulation interval.
At the output of the channel, the noiseless signals are received without distortion. Serial-
to-parallel conversion yields blocks of M elements, with boundaries placed such that each
block obtained at the modulator output is also presented at the demodulator input. Then
demodulation performed by a discrete Fourier transform (DFT) will reproduce-the blocks
of M input symbols. The overall input-output relationship is therefore equivalent to that
of a bank of M parallel, independent subchannels.

{ A} {a,} {ak}d' { X} { X} { X}
. Parallel to iscrets— Serial to .
IDFT serial Chtgnﬁe, parallel DFT
T T

=+

=
-
-

FIGURE7.8 Block diagram of an OFDM system.

In the general case of a noisy channel with impulse response having length greater than
one, M independent subchannels are obtained by a variant of OFDM that is also known
as discrete multitone modulation (DMT) [11]. In & DMT system, modulation by the IDFT
is performed at the rate 1/T" = M/(M + L)T < 1/T. After modulation, each block of
M signals is cyclically extended by copying the last L signals in front of the block, and
converted from parallel to serial. The resulting L + M signals are sent over the channel. At
the receiver, blocks of samples with length L + M are taken. Block boundaries are placed
such that the last M samples depend only on the elements of one cyclically extended block
of signals. The first L samples are discarded, and the vector «,, of the last M samples of
the block received at the n-th modulation interval can be expressed as

x, =Iph+w, , (7.25)

where b is the vector of the impulse response extended with M — L — 1 zeros, w,, is a vector
of additive white Gaussian noise samples, and I',, is a M x M circulant matrix given by

a,(0) an(M —1) ... a,(1)
an(1) a(0) ... an(2)

I, = ’ ’ ’ . (7.26)
an(M~1) an(M=2) ... an(0)

Recalling that .FMI‘n}'A_/Il = diag(A,), where Fjs is the M x M DFT matrix defined as
Funr = [(e”%)km],k,m =0,...,M — 1, and diag(A,,) denotes the diagonal matrix with
elements on the diagonal given by A, we find that the output of the demodulator is given
by

X, =diag(An)H +W,, , (7.27)
where H denotes the DFT of the vector h, and W, is a vector of independent Gaussian
random variables. Equation (7.27) indicates that the sequence of transmitted symbol vectors
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can be detected by assuming a bank of M independent subchannels, at the price of a decrease
in the data rate by a factor (M + L)/M. Note that in practice the computationally more
efficient inverse fast Fourier transform and fast Fourier transform are used instead of IDFT
and DFT.

We discuss echo cancellation for OFDM with reference to a DMT system [6], as shown

in Fig. 7.9. The real-valued discrete-time echo impulse response is {hg s, =0,...,N — 1},
A, a,
i [ A Parallel t
IDFT cyclic | Fa1a 'el 0 DIA
) extension seria T
Delay '
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domain . domain canceller t=ky E
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FIGURE7.9 Configuration of an echo canceller for a DMT transmission system.

having length N < M. We initially assume N < L + 1. Furthermore, we assume that
the boundaries of the received blocks are placed such that the last M samples of the n-th
received block are expressed by the vector

x, =TEh +Tpohg +w, , (7.28)

where I'® is the circulant matrix with elements given by the signals from the remote trans-
mitter, and hg is the vector of the echo impulse response extended with M — N zeros. In
the frequency domain, the echo is expressed as U, = diag(A,)HEg, where Hg denotes
the DFT of the vector hg. In this case, the echo canceller provides an echo estimate that
is given by ﬁn = diag(A,)C,, where C,, denotes the DFT of the vector ¢, of the NV
coeflicients of the echo canceller filter extended with M — N zeros. In practice, however, we
need to consider the case N > L + 1. The expression of the cancellation error is then given
by

Zp = Tp — \Iln,n—lcn ) (7.29)

where the vector of the last M elements of the n-th received block is now z, = I'fh +
U, n—1hEg + wy, and ¥, ,_; is a M x M Toeplitz matrix given by

\I,n,n—l =

134



7-14 CHAPTER 7. ECHO CANCELLATION

an(0)  an(M—1) o an(M—L)  an(M~-1) - an (L4 1)
an(1) an(0) coo an(M — L+1) an(M — L) eame(L+2) | (7.30)
an(M 1) an(M—2) - an(M—L—1) an(M—L—2) - an(0)

In the frequency domain, the cancellation error can be expressed as
Zy=Fm (mn - Xn,n—lcn) - dzag(An)Cn 5 (7.31)

where xn.n-1 = ¥nn—1 — 'y is a M x M upper triangular Toeplitz matrix. Equation (7.31)
suggests a computationally efficient, two-part echo cancellation technique. First, in the time
domain, a short convolution is performed and the result subtracted from the received signals
to compensate for the insufficient length of the cyclic extension. Second, in the frequency
domain, cancellation of the residual echo is performed over a set of M independent echo
subchannels. Observing that Eq. (7.31) is equivalent to Z,, = X, — \i/n,n_lcn, where
\i/n,n,l = }'M\I/n,n_lfl\_/fl, the echo canceller adaptation by the LMS algorithm in the
frequency domain takes the form

Cny1=Cr+a¥}, 2, , (7.32)

where « is the adaptation gain, and \i’;,n—l denotes the transpose conjugate of \i/n,n_l. We
note that, alternatively, echo canceller adaptation may also be performed by the algorithm
Crnt1 = Cp +adiag(A},)Z,, which entails a substantially lower computational complexity
than the LMS algorithm, at the price of a slower rate of convergence.

In DMT systems it is essential that the length of the channel impulse response be much
less than the number of subchannels, so that the reduction in data rate due to the cyclic
extension may be considered negligible. Therefore, equalization is adopted in practice to
shorten the length of the channel impulse response. From Eq. (7.31), however, we observe
that transceiver complexity depends on the relative lengths of the echo and of the channel
impulse responses. To reduce the length of the cyclic extension as well as the computational
complexity of the echo canceller, various methods have been proposed to shorten both the
channel and the echo impulse responses jointly [8].

7.5 Summary and Conclusions

Digital signal processing techniques for echo cancellation provide large echo attenuation, and
eliminate the need for additional line interfaces and digital-to-analog and analog-to-digital
converters that are required by echo cancellation in the analog signal domain.

The realization of digital echo cancellers in transceivers for high-speed full-duplex data
transmission today is possible at a low cost thanks to the advances in VLSI technology.
Digital techniques for echo cancellation are also appropriate for near-end crosstalk cancel-
lation in transceivers for transmission over voice-grade cables at rates of several megabits
per second for local-area network applications.

In voiceband modems for data transmission over the telephone network, digital techniques
for echo cancellation also allow a precise tracking of the carrier phase and frequency shift
of far-end echos.
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8.1 Introduction

Pseudonoise sequences (PN sequences), also referred to as pseudorandom sequences, are
sequences that are deterministically generated and yet possess some properties that one
would expect to find in randomly generated sequences. Applications of PN sequences in-
clude signal synchronization, navigation, radar ranging, random number generation, spread-
spectrum communications, multipath resolution, cryptography, and signal identification in
multiple-access communication systems. The correlation between two sequences {x(t)} and
{y(t)} is the complex inner product of the first sequence with a shifted version of the second
sequence. The correlation is called 1) an autocorrelation if the two sequences are the same,
2) a crosscorrelation if they are distinct, 3) a periodic correlation if the shift is a cyclic shift,
4) an aperiodic correlation if the shift is not cyclic, and 5) a partial-period correlation if the
inner product involves only a partial segment of the two sequences. More precise definitions
are given subsequently.

Binary m sequences, defined in the next section, are perhaps the best-known family
of PN sequences. The balance, run-distribution, and autocorrelation properties of these
sequences mimic those of random sequences. It is perhaps the random-like correlation
properties of PN sequences that makes them most attractive in a communications system,
and it is common to refer to any collection of low-correlation sequences as a family of PN
sequences.

0-8493-8597-0/99/$0.00+$.50
®© 1999 by CRC Press LLC 8-1
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8-2 CHAPTER 8. PSEUDONOISE SEQUENCES

Section 8.2 begins by discussing m sequences. Thereafter, the discussion continues with
a description of sequences satisfying various correlation constraints along the lines of the
accompanying self-explanatory figure, Fig. 8.1. Expanded tutorial discussions on pseudo-
random sequences may be found in [14], in [15, Chapter 5] and in [6].

8.2 m Sequences

A binary {0,1} shift-register sequence {s(t)} is a sequence that satisfies a linear recur-
rence relation of the form

> fis(t+i)=0, foral t>0 (8.1)
=0

where 7 > 1 is the degree of the recursion; the coefficients f; belong to the finite field
GF(2) = {0,1} where the leading coefficient f. = 1. Thus, both sequences {a(t)} and {b(t)}
appearing in Fig. 8.2 are shift-register sequences. A sequence satisfying a recursion of the
form in Eq. (8.1) is said to have characteristic polynomial f(z) = 3°;_, fiz*. Thus, {a(t)}
and {b(t)} have characteristic polynomials given by f(z) = #®4+z+1 and f(z) = 23 +22+1,
respectively. :

SEQUENCES WITH LOW CORRELATION

Periodic Aperiodic Mean square  Partial Hamming
Correlation Correlation Correlation period Correlation
) | Correlation I
. . Optical

Autocorrelation  Crosscorrelation Autocorrelation  Crosscorrelation Orthogonal
blnary  q-ary binary quaternary Barker Merit
m-sequences | sequences factor

Family A

Gold Kasami Kerdock

FIGURES8.1 Overview of pseudonoise sequences.

Since an r-bit binary shift register can assume a maximum of 2" different states, it follows
that every shift-register sequence {s(t)} is eventually periodic with period n < 27, i.e.,

s(t) = s(t+n), forall t> N

for some integer N. In fact, the maximum period of a shift-register sequence is 2" — 1, since
a shift register that enters the all-zero state will remain forever in that state. The upper
shift register in Fig. 8.2 when initialized with starting state 001 generates the periodic
sequence {a(t)} given by

0010111 0010111 o0010111 --- (8.2)

of period n = 7. It follows then that this shift register generates sequences of maximal
period starting from any nonzero initial state.

An m sequence is simply a binary shift-register sequence having maximal period. For
every r > 1, m sequences are known to exist. The periodic autocorrelation function 8 of
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!

a(t) a(t+3)

—<(3 &)

"L I

b(t) b(t+3)
FIGURES.2 An example Gold sequence generator. Here {a(t)} and {b(t)} are 11 sequences of length 7.

>®

a binary {0, 1} sequence {s(t)} of period n is defined by

n—1
0,(1) = Z(—l)s(t‘”)_s(t) , 0<7<n-1
t=0

An m sequence of length 2" — 1 has the following attributes. 1) Balance property: in each
period of the m sequence there are 2"~! ones and 27~} — 1 zeros. 2) Run property: every
nonzero binary s-tuple, s < r occurs 2" ¢ times, the all-zero s-tuple occurs 2"~° — 1 times.
3) Two-level autocorrelation function:

n if 7=0
05(7):{ —1 if 7#0 83)

The first two properties follow immediately from the observation that every nonzero r-tuple
occurs precisely once in each period of the m sequence. For the third property, consider the
difference sequence {s(t + 7) — s(t)} for 7 # 0. This sequence satisfies the same recursion
as the m sequence {s(¢)} and is clearly not the all-zero sequence. It follows, therefore, that
{s(t+7)—s(t)} = {s(t+7")} for some 7/, 0 < 7 < n—1, ie., is a different cyclic shift of the
m sequence {s(t)}. The balance property of the sequence {s(t+7')} then gives us attribute
3. The m sequence {a(t)} in Eq. (8.2) can be seen to have the three listed properties.

If {s(t)} is any sequence of period n and d is an integer, 1 < d < n, then the mapping
{s(t)} — {s(dt)} is referred to as a decimation of {s(t)} by the integer d. If {s(t)} is an
m sequence of period n = 2" — 1 and d is an integer relatively prime to 2" — 1, then the
decimated sequence {s(dt)} clearly also has period n. Interestingly, it turns out that the
sequence {s(dt)} is always also an m sequence of the same period. For example, when {a(t)}
is the sequence in Eq. (8.2), then

a(3t) = 0011101 0011101 0011101 --- (8.4)

and
a(2t) = 0111001 0111001 0111001 --- (8.5)

The sequence {a(3t)} is also an m sequence of period 7, since it satisfies the recursion
s(t+3)+s(t+2)+s(t)=0 forall t

of degree 7 = 3. In fact {a(3t)} is precisely the sequence labeled {b(¢)} in Fig. 8.2. The
sequence {a(2t)} is simply a cyclically shifted version of {a(t)} itself; this property holds in
general. If {s(t)} is any m sequence of period 2" — 1, then {s(2¢)} will always be a shifted
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version of the same m sequence. Clearly, the same is true for decimations by any power
of 2.

Starting from an m sequence of period 2" — 1, it turns out that one can generate all m
sequences of the same period through decimations by integers d relatively prime to 2" — 1.
The set of integers d, 1 < d < 2" — 1 satisfying (d,2" — 1) = 1 forms a group under
multiplication modulo 27 — 1, with the powers {2¢|0 < i < 7~ 1} of 2 forming a subgroup of
order r. Since decimation by a power of 2 yields a shifted version of the same m sequence,
it follows that the number of distinct m sequences of period 2" — 1 is [¢(2" — 1) /7] where
¢(n) denotes the number of integers d, 1 < d < n, relatively prime to n. For example, when
r = 3, there are just two cyclically distinct m sequences of period 7, and these are precisely
the sequences {a(t)} and {b(¢)} discussed in the preceding paragraph. Tables provided
in [12] can be used to determine the characteristic polynomial of the various m sequences
obtainable through the decimation of a single given m sequence. The classical reference on
m sequences is [4].

If one obtains a sequence of some large length n by repeatedly tossing an unbiased coin,
then such a sequence will very likely satisfy the balance, run, and autocorrelation properties
of an m sequence of comparable length. For this reason, it is customary to regard the extent
to which a given sequence possesses these properties as a measure of randomness of the
sequence. Quite apart from this, in many applications such as signal synchronization and
radar ranging, it is desirable to have sequences {s(¢)} with low autocorrelation sidelobes
i.e., |0s(7)] is small for 7 # 0. Whereas m sequences are a prime example, there exist other
methods of constructing binary sequences with low out-of-phase autocorrelation.

Sequences {s(t)} of period n having an autocorrelation function identical to that of an m
sequence, i.e., having 6, satisfying Eq. (8.3) correspond to well-studied combinatorial objects
known as cyclic Hadamard difference sets. Known infinite families fall into three classes
1) Singer and Gordon, Mills and Welch, 2) quadratic residue, and 3) twin-prime difference
sets. These correspond, respectively, to sequences of period n of the formn =27 —1,r > 1;
n prime; and n = p(p+2) with both p and p+ 2 being prime in the last case. For a detailed
treatment of cyclic difference sets, see [2]. A recent observation by Maschietti in [9] provides
additional families of cyclic Hadamard difference sets that also correspond to sequences of
period n =2" —1.

8.3 The g-ary Sequences with Low Autocorrelation

As defined earlier, the autocorrelation of a binary {0,1} sequence {s(¢)} leads to the com-
putation of the inner product of an {—1,+1} sequence {(—1)*®"} with a cyclically shifted
version {(—1)***7)} of itself. The {—1,+1} sequence is transmitted as a phase shift by
either 0° and 180° of a radio-frequency carrier, i.e., using binary phase-shift keying (PSK)
modulation. If the modulation is g-ary PSK, then one is led to consider sequences {s(t)}
with symbols in the set Zg, i.e., the set of integers modulo ¢q. The relevant autocorrelation
function 6,(7) is now defined by

n—1
95(7_) — Zws(t-i-T)—s(t)
t=0

where n is the period of {s(t)} and w is a complex primitive gth root of unity. It is possible
to construct sequences {s(¢)} over Z, whose autocorrelation function satisfies

n if 7=0
QS(T)_{ 0 if 7#0
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For obvious reasons, such sequences are said to have an ideal autocorrelation function.
We provide without proof two sample constructions. The sequences in the first construc-
tion are given by

2 .
s(t) _{ t2/2 (mod n) when n is even

t(t+1)/2 (mod n) when n isodd

Thus, this construction provides sequences with ideal autocorrelation for any period n. Note
that the size ¢ of the sequence symbol alphabet equals 7 when n is odd and 2n when n is
even.

The second construction also provides sequences over Zg of period n but requires that n
be a perfect square. Let n = r? and let m be an arbitrary permutation of the elements in
the subset {0,1,2,...,(r — 1)} of Z,: Let g be an arbitrary function defined on the subset
{0,1,2,...,7 — 1} of Z,. Then any sequence of the form

s(t) = rtam(ts) + g(t2) (mod m)

where t = rt; + to with 0 < 1,2 < r — 1 is the base-r decomposition of ¢, has an ideal
autocorrelation function. When the alphabet size g equals or divides the period n of the
sequence, ideal-autocorrelation sequences also go by the name generalized bent functions.
For details, see [6].

8.4 Families of Sequences with Low Crosscorrelation

Given two sequences {s1(t)} and {s2(¢)} over Z, of period n, their crosscorrelation func-
tion 61 2(7) is defined by

n—1
Bra(r) = 3 w070
t=0

where w is a primitive gth root of unity. The crosscorrelation function is important in
code-division multiple-access (CDMA) communication systems. Here, each user is assigned
a distinct signature sequence and to minimize interference due to the other users, it is
desirable that the signature sequences have pairwise, low values of crosscorrelation function.
To provide the system in addition with a self-synchronizing capability, it is desirable that
the signature sequences have low values of the autocorrelation function as well.

Let F = {{s;(t)} | 1 < i < M} be a family of M sequences {s;(¢)} over Z, each of period
n. Let 0; ;(7) denote the crosscorrelation between the ith and jth sequence at shift 7, i.e.,

n—1
oi,j (’T) — Zwsi(t-l-T)—Sj(t) , 0<r<n-—1
t=0

The classical goal in sequence design for CDMA systems has been minimization of the

parameter
Omax = max {|0; ;(7)| | either ¢#j or 7 # 0}

for fixed n and M. Tt should be noted though that, in practice, because of data modulation
the correlations that one runs into are typically of an aperiodic rather than a periodic
nature (see Section 8.5). The problem of designing for low aperiodic correlation, however,
is a more difficult one. A typical approach, therefore, has been to design based on periodic
correlation, and then to analyze the resulting design for its aperiodic correlation properties.
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Again, in many practical systems, the mean square correlation properties are of greater
interest than the worst-case correlation represented by a parameter such as ... The
mean square correlation is discussed in Section 8.6.

Bounds on the minimum possible value of O,y for given period n, family size M , and
alphabet size ¢ are available that can be used to judge the merits of a particular sequence
design. The most efficient bounds are those due to Welch, Sidelnikov, and Levenshtein,
see [6]. In CDMA systems, there is greatest interest in designs in which the parameter 0.5
is in the range \/n < fyax < 24/n. Accordingly, Table 8.1 uses the Welch, Sidelnikov, and
Levenshtein bounds to provide an order-of-magnitude upper bound on the family size M
for certain @,y in the cited range.

Practical considerations dictate that ¢ be small. The bit-oriented nature of electronic
hardware makes it preferable to have ¢ a power of 2. With this in mind, a description of
some efficient sequence families having low auto- and crosscorrelation values and alphabet
sizes ¢ = 2 and ¢ = 4 are described next.

TABLE8.1 Bounds on Family Size M for Given

n, Omax
Upper bound on M Upper Bound on M
Omax q=2 q>2
Vn n/2 n
Von n n?/2
2y7 3n?/10 n3/2

8.4.1 Gold and Kasami Sequences

Given the low autocorrelation sidelobes of an m sequence, it is natural to attempt to
construct families of low correlation sequences starting from m sequences. Two of the
better known constructions of this type are the families of Gold and Kasami sequences.

Let 7 be odd and d = 2% + 1 where k,1 < k <7 —1, is an integer satisfying (k,r) = 1.
Let {s(t)} be a cyclic shift of an m sequence of period n = 2" — 1 that satisfies S(dt) # 0
and let G be the Gold family of 2" + 1 sequences given by

G={sOrU{s@)}U{{s®t) +s@t+7)}|0<7<n-1}

Then each sequence in G has period 2" — 1 and the maximum-correlation parameter 6.5

of G satisfies
Omax < V2rtl +1

An application of the Sidelnikov bound coupled with the information that fma, must be an
odd integer yields that for the family G, O,y is as small as it can possibly be. In this sense
the family G is an optimal family. We remark that these comments remain true even when
d is replaced by the integer d = 22% — 2% 41 with the conditions on k remaining unchanged.

The Gold family remains the best-known family of m sequences having low crosscorrela-
tion. Applications include the Navstar Global Positioning System whose signals are based
on Gold sequences.

The family of Kasami sequences has a similar description. Let 7 = 2v and d = 2V + 1.
Let {s(t)} be a cyclic shift of an m sequence of period n = 27 — 1 that satisfies s(dt) #£ 0,
and consider the family of Kasami sequences given by

K={s@®)}u{{s@)+s(dt+7)}0<r<2"~2}
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Then the Kasami family K contains 2 sequences of period 2" — 1. It can be shown that in
this case
Omax = 1+ 27

This time an application of the Welch bound and the fact that fmax is an integer shows
that the Kasami family is optimal in terms of having the smallest possible value of 0,4 for
given n and M.

8.4.2 Quaternary Sequences with Low Crosscorrelation

The entries in Table 8.1 suggest that nonbinary (i.e., ¢ > 2) designs may be used for
improved performance. A family of quaternary sequences that outperform the Gold and
Kasami sequences is now discussed below.

Let f(x) be the characteristic polynomial of a binary m sequence of length 2" — 1 for
some integer r. The coefficients of f(z) are either 0 or 1. Now, regard f(z) as a polynomial
over Zs and form the product (—1)"f(x)f(—z). This can be seen to be a polynomial
in z2. Define the polynomial g(z) of degree r by setting g(z?) = (—1)"f(z)f(—z). Let
g(z) = Si_og:iz* and consider the set of all quaternary sequences {a(t)} satisfying the
recursion Y_._ g;a(t + i) = 0 for all ¢.

It turns out that with the exception of the all-zero sequence, all of the sequences gener-
ated in this way have period 2" — 1. Thus, the recursion generates a family A of 2" + 1
cyclically distinct quaternary sequences. Closer study reveals that the maximum correlation
parameter €., of this family satisfies Omax < 1+ v/27. Thus, in comparison to the family
of Gold sequences, the family A offers a lower value of Omax (by a factor of v/2) for the same
family size. In comparison to the set of Kasami sequences, it offers a much larger family
size for the same bound on Opay. Family A sequences may be found discussed in [16, 3].

We illustrate with an example. Let f(z) = 23 4+ z + 1 be the characteristic polynomial of
the m sequence {a(t)} in Eq. (8.1). Then over Z,

9 (2?) = (-1)*f(2)f(~z) = 2° + 22* + 2 + 3

so that g(z) = 2® + 22® +  + 3. Thus, the sequences in family A are generated by the
recursion s(t +3)+2s(t+2) + s(t+1) +3s(t) = 0 mod 4. The corresponding shift register is
shown in Fig. 8.3. By varying initial conditions, this shift register can be made to generate
nine cyclically distinct sequences, each of length 7. In this case fmax < 1 + V8.

———
s(t) s(t+3)

FIGURE 8.3  Shift register that generates family A quaternary sequences {S(t)} of period 7.

8.4.3 Binary Kerdock Sequences

The Gold and Kasami families of sequences are closely related to binary linear cyclic codes.
Tt is well known in coding theory that there exists nonlinear binary codes whose performance
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exceeds that of the best possible linear code. Surprisingly, some of these examples come
from binary codes, which are images of linear quaternary (g = 4) codes under the Gray
map: 0 — 00,1 — 01, 2 — 11, 3 — 10. A prime example of this is the Kerdock code, which
recently has been shown to be the Gray image of a quaternary linear code. Thus, it is not
surprising that the Kerdock code yields binary sequences that significantly outperform the
family of Kasami sequences.

The Kerdock sequences may be constructed as follows: let f(z) be the characteristic
polynomial of an m sequence of period 2" — 1,7 odd. As before, regarding f () as a
polynomial over Z; (which happens to have {0,1} coefficients), let the polynomial g(z)
over Z4 be defined via g(2?) = —f(z)f(—=). [Thus, g(z) is the characteristic polynomial
of a family A sequence set of period 2" — 1.] Set h(z) = ~g(—z) = >7_, hsa?, and let S
be the set of all Z, sequences satisfying the recursion y;_, h;s(t +14) = 0. Then S contain
4"-distinct sequences corresponding to all possible distinct initializations of the shift register.

Let T' denote the subset S of size 2"-consisting of those sequences corresponding to ini-
tializations of the shift register only using the symbols 0 and 2 in Z,. Then the set S — T of
size 4" — 2" contains a set U of 27! cyclically distinct sequences each of period 2(27 - 1).
Given z = a + 2b € Z; with a,b € {0,1}, let y denote the most significant bit (MSB) map
p(z) = b. Let Kg denote the family of 27! binary sequences obtained by applying the map
i to each sequence in Y. It turns out that each sequence in ¢/ also has period 2(2" — 1) and
that, furthermore, for the family Kg, Omax < 2+ v27+1. Thus, K is a much larger family
than the Kasami family, while having almost exactly the same value of 6.y

For example, taking r = 3 and f(z) = z® + z 4 1, we have from the previous family A
example that g(z) = 23 + 222 + £ + 3, so that h(z) = —g(—z) = 23 + 222+ z+ 1. Applying
the MSB map to the head of the shift register, and discarding initializations of the shift
register involving only 0’s and 2’s yields a family of four cyclically distinct binary sequences
of period 14. Kerdock sequences are discussed in [6, 11, 1, 17].

8.5 Aperiodic Correlation

Let {z(¢)} and {y(t)} be complex-valued sequences of length (or period) 7, not necessarily
distinct. Their aperiodic correlation values {p,(7)| — (n —1) <7 < n — 1} are given by

min{n—1n—1—7}

Pzy(T) = Z z(t + 7)y*(t)

t=max{0,—7}

where y*(t) denotes the complex conjugate of y(t). When z = y, we will abbreviate and
write pg in place of p; ;. The sequences described next are perhaps the most famous example
of sequences with low-aperiodic autocorrelation values.

8.5.1 Barker Sequences

A binary {—1, +1} sequence {s(¢)} of length n is said to be a Barker sequence if the aperiodic
autocorrelation values p,(7) satisfy [p,(7)| <1 for all 7,—(n—1) < 7 < n — 1. The Barker
property is preserved under the following transformations:

s(t) — —s(t), s(t) = (-1)'s(t) and s(t) = s(n—1—1¢)
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as well as under compositions of the preceding transformations. Only the following Barker
sequences are known:

n=2 ++
n=3 ++-
n=4 +++-

n=5 +++—+

n=7 +4++-——+-—
n=11 +++-———+——+—
n=13 +++++-——++—+—+

where + denotes +1 and — denotes —1 and sequences are generated from these via the
transformations already discussed. It is known that if any other Barker sequence exists, it
must have length n > 1,898,884, that is a multiple of 4.

For an upper bound to the maximum out-of-phase aperiodic autocorrelation of an m
sequence, see [13].

8.5.2 Sequences with High Merit Factor
The merit factor F of a {—1,+1} sequence {s(t)} is defined by

n2

F=-——T75
227‘:1 ps(T)

Since ps(1) = ps(—7) for 1 < |7| < n — 1 and p,(0) = n, factor F' may be regarded as
the ratio of the square of the in-phase autocorrelation, to the sum of the squares of the
out-of-phase aperiodic autocorrelation values. Thus, the merit factor is one measure of
the aperiodic autocorrelation properties of a binary {—1,+1} sequence. It is also closely
connected with the signal to self-generated noise ratio of a communication system in which
coded pulses are transmitted and received.

Let F, denote the largest merit factor of any binary {—1,+1} sequence of length n.
For example, at length n = 13, the Barker sequence of length 13 has a merit factor F' =
Fi3 = 14.08. Assuming a certain ergodicity postulate it was established by Golay that
limy, 00 F, = 12.32. Exhaustive computer searches carried out for n < 40 have revealed
the following.

1. For 1 <n <40, n # 11,13,
33<F, <985,

9. Fy; = 12.1, Fi3 = 14.08.

The value Fi; is also achieved by a Barker sequence. From partial searches, for lengths
up to 117, the highest known merit factor is between 8 and 9.56; for lengths from 118 to
200, the best-known factor is close to 6. For lengths > 200, statistical search methods have
failed to yield a sequence having merit factor exceeding 5.

An offset sequence is one in which a fraction € of the elements of a sequence of length n
are chopped off at one end and appended to the other end, i.e., an offset sequence is a cyclic
shift of the original sequence by n# symbols. It turns out that the asymptotic merit factor
of m sequences is equal to 3 and is independent of the particular offset of the m sequence.
There exist offsets of sequences associated with quadratic-residue and twin-prime difference
sets that achieve a larger merit factor of 6. Details may be found in [7].
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8.5.3 Sequences with Low Aperiodic Crosscorrelation
If {u(t)} and {v(t)} are sequences of length 2n — 1 defined by

z(t) if 0<t<n-1
u(t) = .
0 it n<t<2n—-2

and
yt) if 0<t<n-1
u(t) = .
0 if n<t<2n-—2

then
{poy(m) [ —(n=1) <7 <n—1} ={0u,(7) |0 <7 < 2n—2} (8.6)

Given a collection
U={{z()} |1 <i < M}

of sequences of length n over Z,, let us define
Pmax = max {|p.p(7)| | a,b € U , either a#b or 7 #0}

It is clear from Eq. (8.6) how bounds on the periodic correlation parameter 6., can
be adapted to give bounds on pgax. Translation of the Welch bound gives that for every

integer k > 1,
2k s n2k M(@2n—1) )
M@2n-1)-1 (2"+k’““2)

Setting k = 1 in the preceding bound gives

M-1

max > Ty [
p "W Men—1) -1

Thus, for fixed M and large n, Welch’s bound gives
Prmax > O (nl/g)

There exist sequence families which asymptotically achieve pmax = O(n!/2), [10].

8.6 Other Correlation Measures

8.6.1 Partial-Period Correlation

The partial-period (p-p) correlation between the sequences {u(t)} and {v(t)} is the collection
{Auu(l,7,80) |1 <1<n,0<7<n—-1,0<¢t; <n— 1} of inner products

t=tg+Ii—1

Au,v (l, 7, tO) = Z U(t + T)U*(t)

t=to

where [ is the length of the partial period and the sum ¢ + 7 is again computed modulo n.

In direct-sequence CDMA systems, the pseudorandom signature sequences used by the
various users are often very long for reasons of data security. In such situations, to minimize
receiver hardware complexity, correlation over a partial period of the signature sequence is
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often used to demodulate data, as well as to achieve synchronization. For this reason, the
p-p correlation properties of a sequence are of interest.

Researchers have attempted to determine the moments of the p-p correlation. Here the
main tool is the application of the Pless power-moment identities of coding theory [8].
The identities often allow the first and second p-p correlation moments to be completely
determined. For example, this is true in the case of m sequences (the remaining moments
turn out to depend upon the specific characteristic polynomial of the m sequence). Further
details may be found in [15].

8.6.2 Mean Square Correlation

Frequently in practice, there is a greater interest in the mean-square correlation distribution
of a sequence family than in the parameter ... Quite often in sequence design, the
sequence family is derived from a linear, binary cyclic code of length n by picking a set
of cyclically distinct sequences of period n. The families of Gold and Kasami sequences
are so constructed. In this case, as pointed out by Massey, the mean square correlation of
the family can be shown to be either optimum or close to optimum, under certain easily
satisfied conditions, imposed on the minimum distance of the dual code. A similar situation
holds even when the sequence family does not come from a linear cyclic code. In this sense,
mean square correlation is not a very discriminating measure of the correlation properties
of a family of sequences. An expanded discussion of this issue may be found in [5].

8.6.3 Optical Orthogonal Codes

Given a pair of {0,1} sequences {si(¢)} and {s2(t)} each having period n, we define the
Hamming correlation function 0;2(7), 0 <7 <n -1, by

—

n—

912(’7’) = Z S1 (t + T)S2(t)

t=

Such correlations are of interest, for instance, in optical communication systems where the
1’s and 0’s in a sequence correspond to the presence or absence of pulses of transmitted
light.

An (n,w, \) optical orthogonal code (OOC) is a family F = {{s;(¢)} | i = 1,2,..., M},
of M {0, 1} sequences of period n, constant Hamming weight w, where w is an integer lying
between 1 and n — 1 satisfying 6;;(7) < X whenever either i # j or 7 # 0.

Note that the Hamming distance d, » between a period of the corresponding codewords
{a(®)}, {b(t)}, 0 <t <n—1inan (n,w,\) OOC having Hamming correlation p,0 < p < A,
is given by d,p = 2(w — p), and, thus, OOCs are closely related to constant-weight error
correcting codes. Given an (n,w, A) OOC, by enlarging the OOC to include every cyclic shift
of each sequence in the code, one obtains a constant-weight, minimum distance dmin > 2(w—
A) code. Conversely, given a constant-weight cyclic code of length n, weight w and minimum
distance diin, one can derive an (n,w, ) OOC code with A < w — dmin/2 by partitioning
the code into cyclic equivalence classes and then picking precisely one representative from
each equivalence class of size n.

By making use of this connection, one can derive bounds on the size of an OOC from
known bounds on the size of constant-weight codes. The bound given next follows directly
from the Johnson bound for constant weight codes [8]. The number M (n, w, A) of codewords
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in a (n,w, A) OOC satisfies
M(n,w,\) < 1 [n—l B [n—)\—f—l [n—)\H J

wlw—1 w—A+1{w—AX

An OOC code that achieves the Johnson bound is said to be optimal. A family {F,} of
00Cs indexed by the parameter n and arising from a common construction is said to be
asymptotically optimum if

lim ﬂ— =1

n—roo M(n,w, \)
Constructions for optical orthogonal codes are available for the cases when A = 1 and \ = 2.
For larger values of A, there exist constructions which are asymptotically optimum. Further

details may be found in [6].

Defining Terms

Autocorrelation of a sequence: The complex inner product of the sequence with
a shifted version itself.

Crosscorrelation of two sequences: The complex inner product of the first se-
quence with a shifted version of the second sequence.

m Sequence: A periodic binary {0,1} sequence that is generated by a shift register
with linear feedback and which has maximal possible period given the number of
stages in the shift register.

Pseudonoise sequences: Also referred to as pseudorandom sequences (PN), these
are sequences that are deterministically generated and yet possess some proper-
ties that one would expect to find in randomly generated sequences.

Shift-register sequence: A sequence with symbols drawn from a field, which satisfies
a linear-recurrence relation and which can be implemented using a shift register.
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9.1 Introduction

Every engineer strives for optimality in design. This is particularly true for communica-
tions engineers since in many cases implementing suboptimal receivers and sources can
result in dramatic losses in performance. As such, this chapter focuses on design principles
leading to the implementation of optimum receivers for the most common communication
environments.

The main objective in digital communications is to transmit a sequence of bits to a remote
location with the highest degree of accuracy. This is accomplished by first representing bits
(or more generally short bit sequences) by distinct waveforms of finite time duration. These
time-limited waveforms are then transmitted (broadcasted) to the remote sites in accordance
with the data sequence.

Unfortunately, because of the nature of the communication channel, the remote loca-
tion receives a corrupted version of the concatenated signal waveforms. The most widely
accepted model for the communication channel is the so-called additive white Gaussian
noise! channel (AWGN channel). Mathematical arguments based upon the central

1For those unfamiliar with AWGN, a random process (waveform) is formally said to be white Gaussian
noise if all collections of instantaneous observations of the process are jointly Gaussian and mutually
independent. An important consequence of this property is that the power spectral density of the process

0-8493-8597-0/99/$0.00+$.50
© 1999 by CRC Press LLC 9.1
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9-2 CHAPTER 9. OPTIMUM RECEIVERS

limit theorem [7], together with supporting empirical evidence, demonstrate that many
common communication channels are accurately modeled by this abstraction. Moreover,
from the design perspective, this is quite fortuitous since design and analysis with respect
to this channel model is relatively straightforward.

9.2 Preliminaries

To better describe the digital communications process, we shall first elaborate on so-called
binary communications. In this case, when the source wishes to transmit a bit value of
0, the transmitter broadcasts a specified waveform sq(t) over the bit interval ¢ € [0,7).
Conversely, if the source seeks to transmit the bit value of 1, the transmitter alternatively
broadcasts the signal s;(t) over the same bit interval. The received waveform R(t) corre-
sponding to the first bit is then appropriately described by the following hypotheses testing
problem:

Hy : R( o(t) +n(t) 0<t<T ©.1)
HIZR '

t)=s
(t) = s1(t) +n(t)

where, as stated previously, 77(¢) corresponds to AWGN with spectral height nominally given
by No/2. 1t is the objective of the receiver to determine the bit value, i.e., the most accurate
hypothesis from the received waveform R(t).

The optimality criterion of choice in digital communication applications is the total
probability of error normally denoted as P,. This scalar quantity is expressed as

P, = Pr(declaring 1|0 transmitted)Pr(0 transmitted)
+ Pr( declaring 0|1 transmitted) Pr(1 transmitted) (9.2)

The problem of determining the optimal binary receiver with respect to the probability of
error is solved by applying stochastic representation theory [10] to detection theory [5, 9].
The specific waveform representation of relevance in this application is the Karhunen—
Loéve (KL) expansion.

9.3 Karhunen-Loéve Expansion

The Karhunen-Loeve expansion is a generalization of the Fourier series designed to rep-
resent a random process in terms of deterministic basis functions and uncorrelated ran-
dom variables derived from the process. Whereas the Fourier series allows one to model
or represent deterministic time-limited energy signals in terms of linear combinations of
complex exponential waveforms, the Karhunen-Lo&ve expansion allows us to represent a
second-order random process in terms of a set of orthonormal basis functions scaled by a
sequence of random variables. The objective in this representation is to choose the basis of
time functions so that the coefficients in the expansion are mutually uncorrelated random
variables.

To be more precise, if R(t) is a zero mean second-order random process defined over [0, 7’|
with covariance function Kg(t, s), then so long as the basis of deterministic functions satisfy

is a constant with respect to frequency variation (spectrally flat). For more on AWGN, see Papoulis [4].
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certain integral constraints [9], one may write R(t) as
R(t) =) Rigs(t) 0<t<T 9.3)

where

In this case the R; will be mutually uncorrelated random variables with the ¢; being deter-
ministic basis functions that are complete in the space of square integrable time functions
over [0,7]. Importantly, in this case, equality is to be interpreted as mean-square equiv-
alence, i.e.,

N 2
Jim B (R(t) - ; Rid; (t)) =0
forall0 <t < T.

FACT9.1 If R(t) is AWGN, then any basis of the vector space of square integrable signals
over [0, T results in uncorrelated and therefore independent Gaussian random variables.

The use of Fact 9.1 allows for a conversion of a continuous time detection problem into
a finite-dimensional detection problem. Proceeding, to derive the optimal binary receiver,
we first construct our set of basis functions as the set of functions defined over ¢t € [0, 7]
beginning with the signals of interest so(¢) and s(t). That is,

{50(t),s1(t), plus a countable number of functions which complete the basis}
In order to insure that the basis is orthonormal, we must apply the Gramm-Schmidt

procedure? [6] to the full set of functions beginning with so(t) and sy (¢) to arrive at our
final choice of basis {¢;(t)}.

FACT 9.2  Let {¢;(t)} be the resultant set of basis functions.
Then for all i > 2, the ¢;(t) are orthogonal to so(t) and si(t). That is,

T
/ ¢i(t)s;(t)dt =0
0
foralli>2and j =0,1.
Using this fact in conjunction with Eq. (9.3), one may recognize that only the coefficients

R; and R, are functions of our signals of interest. Moreover, since the R; are mutually
independent, the optimal receiver will, therefore, only be a function of these two values.

2The Gramm-Schmidt procedure is a deterministic algorithm that simply converts an arbitrary set of
basis functions (vectors) into an equivalent set of orthonormal basis functions (vectors).

152



9-4 CHAPTER 9. OPTIMUM RECEIVERS

Thus, through the application of the KI. expansion, we arrive at an equivalent hypothesis
testing problem to that given in Eq. (9.1),

T
Jo d2(t)so(t) dt 72
T
H:R = l fqusl(t)&(t) dt ] N [ m ] e
Jo #2(t)s1(t) dt M2

where it is easily shown that 1, and 7, are mutually independent, zero-mean, Gaussian
random variables with variance given by Ny/2, and where ¢, and ¢, are the first two
functions from our orthonormal set of basis functions. Thus, the design of the optimal
binary receiver reduces to a simple two-dimensional detection problem that is readily solved
through the application of detection theory.

9.4 Detection Theory

It is well known from detection theory [5] that under the minimum P, criterion, the optimal
detector is given by the mazimum a posteriori rule (MAP),

choose; largest py,r (H; | R =) (9.5)

i.e., determine the hypothesis that is most likely, given that our observation vector is . By
a simple application of Bayes theorem [4], we immediately arrive at the central result in
detection theory: the optimal binary detector is given by the likelihood ratio test (LRT),

H;
:pR|H1(R) > E
prRiE, () < m
Hy

L(R) (9.6)

where the m; are the a priori probabilities of the hypotheses H; being true. Since in this
case we have assumed that the noise is white and Gaussian, the LRT can be written as

2 1 1 (Rz t Sl,i)z H
exXpl| ——w————77
Hl \/7TNO ( 2 N0/2 > @

L(R) =

9.7)

9 1 1 (Rz — So,i)z < m
Hl ,—WNO exp< 9 NO/2 Hy
where
T
sji= [ #i(t)s;(t)dt

By taking the logarithm and cancelling common terms, it is easily shown that the optimum
binary receiver can be written as

H,
2 & 1S, 5 o+ > . m
FO Z R,; (Sl,i - SO,i) — FO Z (Sl,i - SO,i) < In ;1- (9.8)
1 1 HO
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This finite-dimensional version of the optimal receiver can be converted back into a con-

tinuous time receiver by the direct application of Parseval’s theorem [4] where it is easily
shown that

2 T
ZRiSk,i = / R(t)sk(t) dt
i=1 0
T

2 (9.9)
z s%ﬂ- = / s3(t)dt
i=1 0
By applying Eq. (9.9) to Eq. (9.8) the final receiver structure is then given by
T A
1 > No, mo
t t) — ) dt — - (F1 — E —In — 9.10
| R0 -sla- 5@ -E) 2 P (0.10)
Hy

where E7 and Ey are the energies of signals s (¢) and so(t), respectively. (See Fig. 9.1 for a
block diagram.) Importantly, if the signals are equally likely (o = 71), the optimal receiver
is independent of the typically unknown spectral height of the background noise.

R) S0 JT dt N Threshold

Comparison

S

s1(t) — so(t) 3(Br — Ey)

FIGURE9.1 Optimal correlation receiver structure for binary communications.

One can readily observe that the optimal binary communication receiver correlates the
received waveform with the difference signal s;(¢) — so(¢) and then compares the statistic
to a threshold. This operation can be interpreted as identifying the signal waveform s;(t)
that best correlates with the received signal R(t). Based on this interpretation, the receiver
is often referred to as the correlation receiver.

As an alternate means of implementing the correlation receiver, we may reformulate the
computation of the left-hand side of Eq. (9.10) in terms of standard concepts in filtering.
Let h(t) be the impulse response of a linear, time-invariant (LTI) system. By letting h(t) =
s1(T —t) — so(T —t), then it is easily verified that the output of R(¢) to a LTI system with
impulse response given by h(t) and then sampled at time ¢ = T' gives the desired result.
(See Fig. 9.2 for a block diagram.) Since the impulse response is matched to the signal
waveforms, this implementation is often referred to as the matched filter receiver.

9.5 Performance

Because of the nature of the statistics of the channel and the relative simplicity of the re-
ceiver, performance analysis of the optimal binary receiver in AWGN is a straightforward
task. Since the conditional statistics of the log likelihood ratio are Gaussian random vari-
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LTI filter

R(t) —————» At K V2 Threshold ~

. Comparison|— >
sample at time t = T°

&

(B - Ey)

FIGURE9.2 Optimal matched filter receiver structure for binary communications. In this case h(t) = 8 (T —
t) — so(t — t).

ables, the probability of error can be computed directly in terms of Marcum @ functions®

as
po—g (Ll
2Ny

where the s; are the two-dimensional signal vectors obtained from Eq. (9.4), and where
|z denotes the Euclidean length of the vector . Thus, ||sp — 81| is best interpreted as
the distance between the respective signal representations. Since the @ function is mono-
tonically decreasing with an increasing argument, one may recognize that the probability
of error for the optimal receiver decreases with an increasing separation between the signal
representations, i.e., the more dissimilar the signals, the lower the P,.

9.6 Signal Space

The concept of a signal space allows one to view the signal classification problem (receiver
design) within a geometrical framework. This offers two primary benefits: first it supplies
an often more intuitive perspective on the receiver characteristics (e.g., performance) and
second it allows for a straightforward generalization to standard M-ary signalling schemes.

To demonstrate this, in Fig. 9.3, we have plotted an arbitrary signal space for the binary
signal classification problem. The axes are given in terms of the basis functions ¢ (¢) and
¢2(t). Thus, every point in the signal space is a time function constructed as a linear
combination of the two basis functions. By Fact 9.2, we recall that both signals sq(¢) and
51(t) can be constructed as a linear combination of ¢;(¢) and ¢2(t) and as such we may
identify these two signals in this figure as two points.

Since the decision statistic given in Eq. (9.8) is a linear function of the observed vector R
which is also located in the signal space, it is easily shown that the set of vectors under which
the receiver declares hypothesis H; is bounded by a line in the signal space. This so-called
decision boundary is obtained by solving the equation In[L(R)] = 0. (Here again we
have assumed equally likely hypotheses.) In the case under current discussion, this decision
boundary is simply the hyperplane separating the two signals in signal space. Because of
the generality of this formulation, many problems in communication system design are best
cast in terms of the signal space, that is, signal locations and decision boundaries.

3The @ function is the probability that a standard normal random variable exceeds a specified constant,

ie., Q(z) = foo 1/+/2m exp(—22/2) dz.

x
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51

“declare Hy”

bo

“declare H;”
So

decision boundary

b1

FIGURE9.3  Signal space and decision boundary for optimal binary receiver.

9.7 Standard Binary Signalling Schemes

The framework just described allows us to readily analyze the most popular signalling
schemes in binary communications: amplitude-shift keying (ASK), frequency-shift keying
(FSK), and phase-shift keying (PSK). Each of these examples simply constitute a different
selection for signals sp(t) and s (t).

In the case of ASK, sp(t) = 0, while s1(t) = \/2F/T sin(2n f.t), where E denotes the
energy of the waveform and f. denotes the frequency of the carrier wave with f.T" being
an integer. Because so(t) is the null signal, the signal space is a one-dimensional vector
space with ¢1(t) = 1/2/T sin(2n f,t). This, in turn, implies that ||so — s1]| = VE. Thus,
the corresponding probability of error for ASK is

reasio=a (v )

For FSK, the signals are given by equal amplitude sinusoids with distinct center fre-
quencies, that is, s;(t) = /2E/Tsin(2nf;t) with f;T being two distinct integers. In
this case, it is easily verified that the signal space is a two-dimensional vector space with
¢i(t) = +/2/Tsin(2n f;t) resulting in ||so — s1]| = V2E. The corresponding error rate is

given to be
E
Pe(FSK) = Q (\/ m)

Finally, with regard to PSK signalling, the most frequently utilized binary PSK signal set
is an example of an antipodal signal set. Specifically, the antipodal signal set results in the
greatest separation between the signals in the signal space subject to an energy constraint
on both signals. This, in turn, translates into the energy constrained signal set with the
minimum P,. In this case, the s;(t) are typically given by \/2E/T sin[2n f.t + 6(i)], where
6(0) = 0 and 6(1) = m. As in the ASK case, this results in a one-dimensional signal space,
however, in this case ||sg — s1]| = 2v'E resulting in probability of error given by

P.(PSK) = Q (\/f%

In all three of the described cases, one can readily observe that the resulting performance is
a function of only the signal-to-noise ratio £/Ny. In the more general case, the performance

156



9-8 CHAPTER 9. OPTIMUM RECEIVERS

will be a function of the intersignal energy to noise ratio. To gauge the relative difference in
performance of the three signalling schemes, in Fig. 9.4, we have plotted the P, as a function
of the SNR. Please note the large variation in performance between the three schemes for
even moderate values of SNR.

Pe versus SNR

3

Probability of bit error
=

10

SNRin dB

FIGURE 9.4 P, vs. the signal to noise ratio in decibels [dB = 101log(E/Ny)] for amplitude-shift keying,
frequency-shift keying, and phase-shift keying; note that there is a 3-dB difference in performance from ASK to FSK
to PSK.

9.8 M-ary Optimal Receivers

In binary signalling schemes, one seeks to transmit a single bit over the bit interval [0, 7.
This is to be contrasted with M-ary signalling schemes where one transmits multiple bits
simultaneously over the so-called symbol interval [0,7]. For example, using a signal set
with 16 separate waveforms will allow one to transmit a length four-bit sequence per symbol
(waveform). Examples of M-ary waveforms are quadrature phase-shift keying (QPSK) and
quadrature amplitude modulation (QAM).

The derivation of the optimum receiver structure for M-ary signalling requires the
straightforward application of fundamental results in detection theory. As with binary
signalling, the Karhunen-Logve expansion is the mechanism utilized to convert a hypothe-
ses testing problem based on continuous waveforms into a vector classification problem.
Depending on the complexity of the M waveforms, the signal space can be as large as an
M-dimensional vector space.

By extending results from the binary signalling case, it is easily shown that the optimum
M-ary receiver computes

T
&IR()] =/ si(t)R(t) dt — % + %mm i=1,... M
0
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where, as before, the s;(t) constitute the signal set with the m; being the corresponding
a priori probabilities. After computing M separate values of §;, the minimum probability
of error receiver simply chooses the largest amongst this set. Thus, the M-ary receiver
is implemented with a bank of correlation or matched filters followed by choose-largest
decision logic.

In many cases of practical importance, the signal sets are selected so that the resulting
signal space is a two-dimensional vector space irrespective of the number of signals. This
simplifies the receiver structure in that the sufficient statistics are obtained by implementing
only two matched filters. Both QPSK and QAM signal sets fit into this category. As an
example, in Fig. 9.5, we have depicted the signal locations for standard 16-QAM signalling
with the associated decision boundaries. In this case we have assumed an equally likely
signal set. As can be seen, the optimal decision rule selects the signal representation that
is closest to the received signal representation in this two-dimensional signal space.

9.9 More Realistic Channels

As is unfortunately often the case, many channels of practical interest are not accurately
modeled as simply an AWGN channel. It is often that these channels impose nonlinear
effects on the transmitted signals. The best example of this are channels that impose a
random phase and random amplitude onto the signal. This typically occurs in applica-
tions such as in mobile communications, where one often experiences rapidly changing path
lengths from source to receiver.

Fortunately, by the judicious choice of signal waveforms, it can be shown that the selection
of the ¢; in the Karhunen-Logve transformation is often independent of these unwanted
parameters. In these situations, the random amplitude serves only to scale the signals in
signal space, whereas the random phase simply imposes a rotation on the signals in signal
space.

Since the Karhunen-Lo&ve basis functions typically do not depend on the unknown pa-
rameters, we may again convert the continuous time classification problem to a vector
channel problem where the received vector R is computed as in Eq. (9.3). Since this vector
is a function of both the unknown parameters (i.e., in this case amplitude A and phase v),
to obtain a likelihood ratio test independent of A and v, we simply apply Bayes theorem
to obtain the following form for the LRT: '

H,
L(R) = E [pRlHlyA,V (R| Hl,A,l/)] > T
E [primo,a, (R | Ho, A, v)] E m

0

where the expectations are taken with respect to A and v, and where pgjg, 4, are the
conditional probability density functions of the signal representations. Assuming that the
background noise is AWGN, it can be shown that the LRT simplifies to choosing the largest
amongst

T X
SR = / exp { — / R(t)ss(t] A,v) dt— B a0y dadw
A NO 0 NO
i=1,...,M (9.11)

It should be noted that in the Eq. (9.11) we have explicitly shown the dependence of the
transmitted signals s; on the parameters A and v. The final receiver structures, together
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FIGURE 9.5  Signal space representation of 16-QAM signal set. Optimal decision regions for equally likely signals
are also noted.
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FIGURE9.6 Optimum receiver structure for noncoherent (random or unknown phase) ASK demodulation.
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with their corresponding performance are, thus, a function of both the choice of signal sets
and the probability density functions of the random amplitude and random phase.

9.9.1 Random Phase Channels

If we consider first the special case where the channel simply imposes a uniform random
phase on the signal, then it can be easily shown that the so-called in-phase and quadrature
statistics obtained from the received signal R(t) (denoted by Ry and Rg, respectively), are
sufficient statistics for the signal classification problem. These quantities are computed as

T
RI(i):/O R(t) cos[2mf.(4)t] dt

and r
Roli) = /0 R(t)sin[2rfu(i)f] dt

where in this case the index 4 corresponds to the center frequencies of hypotheses H;, (e.g.,
FSK signalling). The optimum binary receiver selects the largest from amongst

gi[R(t)]:WieXP<—%> I [Nio R§(i)+Rg(i)] i=1,...,.M

where Iy is a zeroth-order, modified Bessel function of the first kind. If the signals have
equal energy and are equally likely (e.g., FSK signalling), then the optimum receiver is
given by

H,y

>

R}(1) + R3(1) R3(0) + R%(0)

Hy
One may readily observe that the optimum receiver bases its decision on the values of
the two envelopes of the received signal ,/R?(i) + R%(4) and, as a consequence, is often
referred to as an envelope or square-law detector. Moreover, it should be observed that the
computation of the envelope is independent of the underlying phase of the signal and is as
such known as a noncoherent receiver.

The computation of the error rate for this detector is a relatively straightforward exercise
resulting in

1 E
P,( noncoherent) = 5 eXP (—W>
0

As before, note that the error rate for the noncoherent receiver is simply a function of the
SNR.

9.9.2 Rayleigh Channel

As an important generalization of the described random phase channel, many communica-
tion systems are designed under the assumption that the channel introduces both a random
amplitude and a random phase on the signal. Specifically, if the original signal sets are
of the form s;(t) = m;(t) cos(2n f.t) where m;(t) is the baseband version of the message
(i.e., what distinguishes one signal from another), then the so-called Rayleigh channel
introduces random distortion in the received signal of the following form:

8i(t) = Am;(t) cos (27 fct + v)
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where the amplitude A is a Rayleigh random variable* and where the random phase v is a
uniformly distributed between zero and 2.

To determine the optimal receiver under this distortion, we must first construct an al-
ternate statistical model for s;(¢). To begin, it can be shown from the theory of random
variables [4] that if X; and X are statistically independent, zero mean, Gaussian random
variables with variance given by 02, then

Am(t) cos (2w fet + v) = m;(t) X1 cos (2w fet) + my(t) X g sin (2w f.t)

Equality here is to be interpreted as implying that both A and v will be the appropriate
random variables. From this, we deduce that the combined uncertainty in the amplitude and
phase of the signal is incorporated into the Gaussian random variables X; and X. The in-
phase and quadrature components of the signal s;(t) are given by s7,;(t) = m;(t) cos(2m f.t)
and sq,(t) = m;(t)sin(2w f.t), respectively. By appealing to Eq. (9.11), it can be shown
that the optimum receiver selects the largest from

GIR0) = —— o | 75— (RO, 51:(0)” + (B(t), 50,(1))°)
1—|— NO 5 ]—VEO'

where the inner product
T
(R, S:0) = [ ROsit) de
0

Further, if we impose the conditions that the signals be equally likely with equal energy
over the symbol interval, then optimum receiver selects the largest amongst

&IRW) = V(RW), 51:(8)” + (R(1), 50,(1))°

Thus, much like for the random phase channel, the optimum receiver for the Rayleigh
channel computes the projection of the received waveform onto the in-phase and quadrature
components of the hypothetical signals. From a signal space perspective, this is akin to
computing the length of the received vector in the subspace spanned by the hypothetical
signal. The optimum receiver then chooses the largest amongst these lengths.

As with the random phase channel, computing the performance is a straightforward task
resulting in (for the equally likely, equal energy case)

P.( Rayleigh) = ———2—2

Interestingly, in this case the performance depends not only on the SNR, but also on the
variance (spread) of the Rayleigh amplitude A. Thus, if the amplitude spread is large, we
expect to often experience what is known as deep fades in the amplitude of the received
waveform and as such expect a commensurate loss in performance.

4The density of a Rayleigh random variable is given by pa(a) = a/c? exp(—a2/202) for a > 0.
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9.10. DISPERSIVE CHANNELS 9-13

9.10 Dispersive Channels

The dispersive channel model assumes that the channel not only introduces AWGN but
also distorts the signal through a filtering process. This model incorporates physical realities
such as multipath effects and frequency selective fading. In particular, the standard model
adopted is depicted in the block diagram given in Fig. 9.7. As can be seen, the receiver
observes a filtered version of the signal plus AWGN. If the impulse response of the channel is
known, then we arrive at the optimum receiver design by applying the previously presented
theory. Unfortunately, the duration of the filtered signal can be a complicating factor.
More often than not, the channel will increase the duration of the transmitted signals,
hence, leading to the description, dispersive channel.

5 (t)

si(t) ——————s ho(t, ) ——(+ )—— R(®)

n(t)

FIGURE 9.7 Standard model for dispersive channel. The time varying impulse response of the channel is denoted
by he(t, 7).

However, if the designers take this into account by shortening the duration of s;(t) so that
the duration of s} (t) is less than 7', then the optimum receiver chooses the largest amongst

E(R(W) = 52 Inm + (R, 51(0) - 557

If we limit our consideration to equally likely binary signal sets, then the minimum- P,
matches the received waveform to the filtered versions of the signal waveforms. The resulting
error rate is given by

N llsg — SSll)
( dispersive) = @ ( VN,

Thus, in this case the minimum P, is a function of the separation of the filtered version of
the signals in the signal space.

The problem becomes substantially more complex if we cannot insure that the filtered
signal durations are less than the symbol lengths. In this case we experience what is known
as intersymbol interference (ISI). That is, observations over one symbol interval contain
not only the symbol information of interest but also information from previous symbols.
In this case we must appeal to optimum sequence estimation [5] to take full advantage of
the information in the waveform. The basis for this procedure is the maximization of the
joint likelihood function conditioned on the sequence of symbols. This procedure not only
defines the structure of the optimum receiver under ISI but also is critical in the decoding
of convolutional codes and coded modulation. Alternate adaptive techniques to solve this
problem involve the use of channel equalization.
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Defining Terms

Additive white Gaussian noise (AWGN) channel: The channel whose model is
that of corrupting a transmitted waveform by the addition of white (i.e., spec-
trally flat) Gaussian noise.

Bit (symbol) interval: The period of time over which a single symbol is transmitted.

Communication channel: The medium over which communication signals are trans-
mitted. Examples are fiber optic cables, free space, or telephone lines.

Correlation or matched filter receiver: The optimal receiver structure for digital
communications in AWGN.

Decision boundary: The boundary in signal space between the various regions where
the receiver declares H;. Typically a hyperplane when dealing with AWGN chan-
nels.

Dispersive channel: A channel that elongates and distorts the transmitted signal.
Normally modeled as a time-varying linear system.

Intersymbol interference: The ill-effect of one symbol smearing into adjacent sym-
bols thus interfering with the detection process. This is a consequence of the
channel filtering the transmitted signals and therefore elongating their duration,
see dispersive channel.

Karhunen—Loéve expansion: A representation for second-order random processes.
Allows one to express a random process in terms of a superposition of determin-
istic waveforms. The scale values are uncorrelated random variables obtained
from the waveform.

Mean-square equivalence: Two random vectors or time-limited waveforms are
mean-square equivalent if and only if the expected value of their mean-square
error is zero.

Orthonormal: The property of two or more vectors or time-limited waveforms being
mutually orthogonal and individually having unit length. Orthogonality and
length are typically measured by the standard Euclidean inner product.

Rayleigh channel: A channel that randomly scales the transmitted waveform by a
Rayleigh random variable while adding an independent uniform phase to the
carrier.

Signal space: An abstraction for representing a time limited waveform in a low-
dimensional vector space. Usually arrived at through the application of the
Karhunen—Loéve transformation.

Total probability of error: The probability of classifying the received waveform
into any of the symbols that were not transmitted over a particular bit inter-
val.
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Further Information

9-15

The fundamentals of receiver design were put in place by Wozencraft and Jacobs in their
seminal book. Since that time, there have been many outstanding textbooks in this area.
For a sampling see [1, 2, 3, 8, 12]. For a complete treatment on the use and application of
detection theory in communications see [5, 9]. For deeper insights into the Karhunen-Logve
expansion and its use in communications and signal processing see [10].
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10.1 Introduction

In 1948, Claude Shannon issued a challenge to communications engineers by proving that
communication systems could be made arbitrarily reliable as long as a fixed percentage of
the transmitted signal was redundant [9]. He showed that limits exist only on the rate
of communication and not its accuracy, and went on to prove that errorless transmission
could be achieved in an additive white Gaussian noise (AWGN) environment with infinite
bandwidth if the ratio of energy per data bit to noise power spectral density exceeds the
Shannon Limit. He did not, however, indicate how this could be achieved. Subsequent
research has led to a number of techniques that introduce redundancy to allow for cor-
rection of errors without retransmission. These techniques, collectively known as forward
error correction (FEC) coding techniques, are used in systems where a reverse channel is
not available for requesting retransmission, the delay with retransmission would be exces-
sive, the expected number of errors would require a large number of retransmissions, or
retransmission would be awkward to implement [10].

A simplified model of a digital communication system which incorporates FEC coding is
shown in Fig. 10.1. The FEC code acts on a discrete data channel comprising all system
elements between the encoder output and decoder input. The encoder maps the source
data to g-ary code symbols which are modulated and transmitted. During transmission,
this signal can be corrupted, causing errors to arise in the demodulated symbol sequence.
The FEC decoder attempts to correct these errors and restore the original source data.

0-8493-8597-0/99/$0.00+$.50
© 1999 by CRC Press LLC 10-1
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Noise
|
v
Sowce |—f pFEC Modalator Channel Demodulstor D > sk
Discrete Data Chamnel

FIGURE 10.1  Block diagram of a digital communication system with forward error correction.

A demodulator which outputs only a value for the g-ary symbol received during each sym-
bol interval is said to make hard decisions. In the binary symmetric channel (BSC),
hard decisions are made on binary symbols and the probability of error is independent of
the value of the symbol. One example of a BSC is the coherently demodulated binary
phase-shift-keyed (BPSK) signal corrupted by AWGN. The conditional probability density
functions which result with this system are depicted in Fig. 10.2. The probability of error
is given by the area under the density functions that lies across the decision threshold, and
is a function of the symbol energy E; and the one-sided noise power spectral density Ng.

/N@W) /N'(SID
_/ \ .

1 b i b
—E, 0 \E,
Soft decision output: 000 { 001 | 010 011 | 100 | 101 | 120 ; 111

Hard decision output: 0 i 1

FIGURE10.2  Hard and soft decision demodulation of a coherently demodulated BPSK signal corrupted by AWGN.
f(z | 1) and f(z | 0) are the Gaussianly distributed conditional probability density functions at the threshold
device.

Alternatively, the demodulator can make soft decisions or output an estimate of the
symbol value along with an indication of its confidence in this estimate. For example, if
the BPSK demodulator uses three-bit quantization, the two least significant bits can be
taken as a confidence measure. Possible soft-decision thresholds for the BPSK signal are
depicted in Fig. 10.2. In practice, there is little to be gained by using many soft-decision
quantization levels.

Block and convolutional codes introduce redundancy by adding parity symbols to the
message data. They map k source symbols to n code symbols and are said to have code
rate R = k/n. With fixed information rates, this redundancy results in increased band-
width and lower energy per transmitted symbol. At low signal-to-noise ratios, these codes
cannot compensate for these impairments, and performance is degraded. At higher ratios of
information symbol energy Ej to noise spectral density No, however, there is coding gain
since the performance improvement offered by coding more than compensates for these im-
pairments. Coding gain is usually defined as the reduction in required E,/Ny to achieve a
specific error rate in an error-control coded system over one without coding. In contrast to
block and convolutional codes, trellis-coded modulation introduces redundancy by expand-
ing the size of the signal set rather than increasing the number of symbols transmitted, and
so offers the advantages of coding to band-limited systems.

Each of these coding techniques is considered in turn. Following a discussion of inter-
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leaving and concatenated coding, this chapter gives an overview of a recent and significant

advance in coding, the development of Turbo codes, and concludes with a brief overview of
FEC applications.

10.2 Fundamentals of Block Coding

In block codes there is a one-to-one mapping between k-symbol source words and n-symbol
codewords. With g-ary signalling, ¢® out of the ¢" possible n-tuples are valid code vectors.
The set of all n-tuples forms a vector space in which the ¢* code vectors are distributed.
The Hamming distance between any two code vectors is the number of symbols in which
they differ; the minimum distance dp;, of the code is the smallest Hamming distance
between any two codewords.

There are two contradictory objectives of block codes. The first is to distribute the code
vectors in the vector space such that the distance between them is maximized. Then, if
the decoder receives a corrupted vector, by evaluating the nearest valid code vector it will
decode the correct word with high probability. The second is to pack the vector space with
as many code vectors as possible to reduce the redundancy in transmission.

When code vectors differ in at least dp,;, positions, a decoder which evaluates the nearest
code vector to each received word is guaranteed to correct up to ¢t random symbol errors
per word if

dmin > 2t +1 (10.1)

Alternatively, all ¢" — ¢* illegal words can be detected, including all error patterns with
dmin — 1 or fewer errors. In general, a block code can correct all patterns of ¢ or fewer errors
and detect all patterns of u or fewer errors provided that u > ¢ and

Gmin > t+u+1 (10.2)

If ¢ = 2, knowledge of the positions of the errors is sufficient for their correction; if ¢ > 2,
the decoder must determine both the positions and values of the errors. If the demodulator
indicates positions in which the symbol values are unreliable, the decoder can assume their
value unknown and has only to solve for the value of these symbols. These positions are
called erasures. A block code can correct up to t errors and v erasures in each word if

dmin > 2t+v+1 (10.3)

10.3 Structure and Decoding of Block Codes

Shannon showed that the performance limit of codes with fixed code rate improves as the
block length increases. As m and k increase, however, practical implementation requires
that the mapping from message to code vector not be arbitrary but that an underlying
structure to the code exist. The structures developed to date limit the error correcting
capability of these codes to below what Shannon proved possible, on average, for a code
with random codeword assignments. Although Turbo codes have made significant strides
towards approaching the Shannon Limit, the search for good constructive codes continues.

A property which simplifies implementation of the coding operations is that of code
linearity. A code is linear if the addition of any two code vectors forms another code vector,
which implies that the code vectors form a subspace of the vector space of n-tuples. This
subspace, which contains the all-zero vector, is spanned by any set of k linearly independent
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code vectors. Encoding can be described as the multiplication of the information k-tuple
by a generator matrix G, of dimension k x n, which contains these basis vectors as rows.
That is, a message vector m; is mapped to a code vector ¢; according to

c; = m;G, i=0,1,...,¢5—1 (10.4)

where elementwise arithmetic is defined in the finite field GF(q). In general, this encoding
procedure results in code vectors with nonsystematic form in that the values of the message
symbols cannot be determined by inspection of the code vector. However, if G has the form
[T, P] where I}, is the k x k identity matrix and P is a k x (n — k) matrix of parity checks,
then the k£ most significant symbols of each code vector are identical to the message vector
and the code has systematic form. This notation assumes that vectors are written with
their most significant or first symbols in time on the left, a convention used throughout this
chapter.

For each generator matrix there is an (n—k) x k parity check matrix H whose rows are
orthogonal to the rows in G, i.e., GH'= 0. If the code is systematic, H = [-P% I,_;].
Since all codewords are linear sums of the rows in G, it follows that ¢;H* = 0 for all
i, =0,1,...,¢F — 1, and that the validity of the demodulated vectors can be checked by
performing this multiplication. If a codeword ¢ is corrupted during transmission so that the
hard-decision demodulator outputs the vector é = ¢+ e, where e is a nonzero error pattern,
the result of this multiplication is an (n — k)-tuple that is indicative of the validity of the
sequence. This result, called the syndrome s, is dependent only on the error pattern since

s=¢H" = (c+e)H' = cH* + eHT = eHT (10.5)

If the error pattern is a code vector, the errors go undetected. For all other error patterns,
however, the syndrome is nonzero. Since there are ¢"~* — 1 nonzero syndromes, g% — 1
error patterns can be corrected. When these patterns include all those with ¢ or fewer
errors and no others, the code is said to be a perfect code. Few codes are perfect; most
codes are capable of correcting some patterns with more than ¢ errors. Standard array
decoders use lookup tables to associate each syndrome with an error pattern but become
impractical as the block length and number of parity symbols increases. Algebraic decoding
algorithms have been developed for codes with stronger structure. These algorithms are
simplified with imperfect codes if the patterns corrected are limited to those with ¢ or fewer
errors, a simplification called bounded distance decoding.

Cyclic codes are a subclass of linear block codes with an algebraic structure that enables
encoding to be implemented with a linear feedback shift register and decoding to be im-
plemented without a lookup table. As a result, most block codes in use today are cyclic or
are closely related to cyclic codes. These codes are best described if vectors are interpreted
as polynomials and the arithmetic follows the rules for polynomials where the elementwise
operations are defined in GF(g). In a cyclic code, all codeword polynomials are multiples of
a generator polynomial g(z) of degree n — k. This polynomial is chosen to be a divisor
of z™ — 1 so that a cyclic shift of a code vector yields another code vector, giving this class
of codes its name. A message polynomial m;(z) can be mapped to a codeword polynomial
¢;(z) in nonsystematic form as

Cz(m) Zml(a:)g(x), ZZO,la)Qk—l (10.6)
In systematic form, codeword polynomials have the form

ci(x) = my(z)z"F — ri(z), i=0,1,...,¢" =1 (10.7)
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where r;(z) is the remainder of m;(z)z™* divided by g(z). Polynomial multiplication and
division can be easily implemented with shift registers [5].

The first step in decoding the demodulated word is to determine if the word is a multiple
of g(z). This is done by dividing it by g(x) and examining the remainder. Since polynomial
division is a linear operation, the resulting syndrome s(z) depends only on the error pattern.
If s(z) is the all-zero polynomial, transmission is errorless or an undetectable error pattern
has occurred. If s{x) is nonzero, at least one error has occurred. This is the principle of the
cyclic redundancy check (CRC). It remains to determine the most likely error pattern
that could have generated this syndrome.

Single error correcting binary codes can use the syndrome to immediately locate the
bit in error. More powerful codes use this information to determine the locations and
values of multiple errors. The most prominent approach of doing so is with the iterative
technique developed by Berlekamp. This technique, which involves computing an error-
locator polynomial and solving for its roots, was subsequently interpreted by Massey in
terms of the design of a minimum-length shift register. Once the location and values of the
errors are known, Chien’s search algorithm efficiently corrects them. The implementation
complexity of these decoders increases only as the square of the number of errors to be
corrected [4] but does not generalize easily to accommodate soft-decision information. Other
decoding techniques, including Chase’s algorithm and threshold decoding, are easier to
implement with soft-decision input [6]. Berlekamp’s algorithm can be used in conjunction
with transform-domain decoding, which involves transforming the received block with a
finite field Fourier-like transform and solving for errors in the transform domain. Since the
implementation complexity of these decoders depends on the block length rather than the
number of symbols corrected, this approach results in simpler circuitry for codes with high
redundancy [13].

Other block codes have also been constructed, including codes that are based on
transform-domain spectral properties, codes that are designed specifically for correction
of burst errors, and codes that are decodable with straightforward threshold or majority
logic decoders [5, 6, 7].

10.4 Important Classes of Block Codes

When errors occur independently, Bose—Chaudhuri-Hocquenghem (BCH) codes provide one
of the best performances of known codes for a given block length and code rate. They are
cyclic codes with n = ¢"™ — 1, where m is any integer greater than 2. They are designed to
correct up to t errors per word and so have designed distance d = 2¢ + 1; the minimum
distance may be greater. Generator polynomials for these codes are listed in many texts,
including [6]. These polynomials are of degree less than or equal to mt, and so k > n —mt.
BCH codes can be shortened to accommodate system requirements by deleting positions
for information symbols.

Some subclasses of these codes are of special interest. Hamming codes are perfect single
error correcting binary BCH codes. Full length codes have n = 2™ — 1 and £k = n —m for
any m greater than 2. The duals of these codes are maximal-length codes, with n = 2™ —1,
k =m, and dyi, = 2™ L. All 2™ — 1 nonzero code vectors in these codes are cyclic shifts of
a single nonzero code vector. Reed—Solomon (RS) codes are nonbinary BCH codes defined
over GF(q), where ¢ is often taken as a power of two so that symbols can be represented by
a sequence of bits. In these cases, correction of even a single symbol allows for correction of
a burst of bit errors. The block length is n = ¢ — 1, and the minimum distance dpi, = 2t+1
is achieved using only 2¢ parity symbols. Since RS codes meet the Singleton bound of
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dmin < n—k+1, they have the largest possible minimum distance for these values of n and
k and are called maximum distance separable codes.

The Golay codes are the only nontrivial perfect codes that can correct more than one
error. The (11, 6) ternary Golay code has minimum distance 5. The (23, 12) binary code
is a triple error correcting BCH code with dpin = 7. To simplify implementation, it is often
extended to a (24, 12) code through the addition of an extra parity bit. The extended code
has dmin = 8.

The (23, 12) Golay code is also a binary quadratic residue code. These cyclic codes have
prime length of the form n = 8m £ 1, with & = (n + 1)/2 and dpin > v/n. Some of these
codes are as good as the best codes known with these values of n and k, but it is unknown
if there are good quadratic residue codes with large n [5].

Reed-Muller codes are equivalent to binary cyclic codes with an additional overall parity
bit. For any m, the rth-order Reed-Muller code hasn = 2™, k = ¥7_ (T), and dpp = 2™
The rth-order and (m — r — 1)th-order codes are duals, and the first-order codes are similar
to maximal-length codes. These codes, and the closely related Euclidean geometry and
projective geometry codes, can be decoded with threshold decoding.

The performance of several of these block codes is shown in Fig. 10.3 in terms of decoded
bit error probability vs. Ej/Ng for systems using coherent, hard-decision demodulated
BPSK signalling. Many other block codes have also been developed, including Goppa
codes, quasicyclic codes, burst error correcting Fire codes, and other lesser known codes.

g O 1b

10.5 Principles of Convolutional Coding

Convolutional codes map successive information k-tuples to a series of n-tuples such that
the sequence of n-tuples has distance properties that allow for detection and correction of
errors. Although these codes can be defined over any alphabet, their implementation has
largely been restricted to binary signals, and only binary convolutional codes are considered
here.

In addition to the code rate R = k/n, the constraint length K is an important param-
eter for these codes. Definitions vary; we will use the definition that K equals the number
of k-tuples that affect formation of each n-tuple during encoding. That is, the value of an
n-tuple depends on the k-tuple that arrives at the encoder during that encoding interval as
well as the K — 1 previous information k-tuples.

Binary convolutional encoders can be implemented with kK-stage shift registers and n
modulo-2 adders, an example of which is given in Fig. 10.4(a) for a rate 1/2, constraint
length 3 code. The encoder shifts in a new k-tuple during each encoding interval and
samples the outputs of the adders sequentially to form the coded output.

Although connection diagrams similar to that of Fig. 10.4(a) completely describe the
code, a more concise description can be given by stating the values of n, k, and K and
giving the adder connections in the form of vectors or polynomials. For instance, the rate
1/2 code has the generator vectors g, = 111 and g, = 101, or equivalently, the generator
polynomials g1(z) = 22 + z + 1 and gz(z) = 2 4+ 1. Alternatively, a convolutional code
can be characterized by its impulse response, the coded sequence generated due to input
of a single logic-1. It is straightforward to verify that the circuit in Fig. 10.4(a) has the
impulse response 111011. Since modulo-2 addition is a linear operation, convolutional codes
are linear, and the coded output can be viewed as the convolution of the input sequence
with the impulse response, hence the name of this coding technique. Shifted versions of the
impulse response or generator vectors can be combined to form an infinite-order generator
matrix which also describes the code.
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FIGURE 10.3  Block code performance. Source: Sklar, B., 1988, Digital Communications: Fundamentals and Appli-
cations, (C) 1988, p. 300. Reprinted by permission of Prentice-Hall, Inc., Englewood Cliffs, NJ.

Shift register circuits can be modeled as finite state machines. A Mealy machine descrip-
tion of a convolutional encoder requires 2¥(X—1) states, each describing a different value of
the K —1 k-tuples which have most recently entered the shift register. Each state has 2F exit
paths which correspond to the value of the incoming k-tuple. A state machine description
for the rate 1/2 encoder depicted in Fig. 10.4(a) is given in Fig. 10.4(b). States are labeled
with the contents of the two leftmost register stages; edges are labeled with information bit
values and their corresponding coded output.

The dimension of time is added to the description of the encoder with tree and trellis
diagrams. The tree diagram for the rate 1/2 convolutional code is given in Fig. 10.4(c),
assuming the shift register is initially clear. Each node represents an encoding interval,
from which the upper branch is taken if the input bit is a 0 and the lower branch is taken
if the input bit is a 1. Each branch is labeled with the corresponding output bit sequence.
A drawback of the tree representation is that it grows without bound as the length of the
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(a) Connection disgram (b) State machine model
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FIGURE 10.4 A rate 1/2, constraint length 3 convolutional code.
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FIGURE 10.4 (Continued).

input sequence increases. This is overcome with the trellis diagram depicted in Fig. 10.4(d),
Again, encoding results in left-to-right movement, where the upper of the two branches is
taken whenever the input is a 0, the lower branch is taken when the input is a 1, and the
output is the bit sequence which weights the branch taken. Each level of nodes corresponds
to a state of the encoder as shown on the left-hand side of the diagram.

If the received sequence contains errors, it may no longer depict a valid path through
the tree or trellis. It is the job of the decoder to determine the original path. In doing so,
the decoder does not so much correct errors as find the closest valid path to the received
sequence. As a result, the error correcting capability of a convolutional code is more difficult
to quantify than that of a block code; it depends on how valid paths differ. One measure of
this difference is the column distance d.(7), the minimum Hamming distance between all
coded sequences generated over ¢ encoding intervals which differ in the first interval. The
nondecreasing sequence of column distance values is the distance profile of the code. The
column distance after K intervals is the minimum distance of the code and is important
for evaluating the performance of a code that uses threshold decoding. As i increases, d.()
approaches the free distance of the code, dree, which is the minimum Hamming distance
in the set of arbitrarily long paths that diverge and then remerge in the trellis.

With maximum likelihood decoding, convolutional codes can generally correct up to ¢
errors within three to five constraint lengths, depending on how the errors are distributed,
where

dfree > 2t + 1 (108)

The free distance can be calculated by exhaustively searching for the minimum-weight path
that returns to the all-zero state, or evaluating the term of lowest degree in the generating
function of the code.

The objective of a convolutional code is to maximize these distance properties. They
generally improve as the constraint length of the code increases, and nonsystematic codes
generally have better properties than systematic ones. Good codes have been found by
computer search and are tabulated in many texts, including [6]. Convolutional codes with
high code rate can be constructed by puncturing or periodically deleting coded symbols
from a low rate code. A list of low rate codes and perforation matrices that result in good
high rate codes can be found in many sources, including [13]. The performance of good
punctured codes approaches that of the best convolutional codes known with similar rate,
and decoder implementation is significantly less complex.

Convolutional codes can be catastrophic, having the potential to generate an unlimited
number of decoded bit errors in response to a finite number of errors in the demodulated bit
sequence. Catastrophic error propagation is avoided if the code has generator polynomials
with a greatest common divisor of the form z% for any a or, equivalently, if there are no
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closed-loop paths in the state diagram with all-zero output other than the one taken with
all-zero input. Systematic codes are not catastrophic.

10.6 Decoding of Convolutional Codes

In 1967, Viterbi developed a maximum likelihood decoding algorithm that takes advantage
of the trellis structure to reduce the complexity of the evaluation. This algorithm has become
known as the Viterbi algorithm. With each received n-tuple, the decoder computes a
metric or measure of likelihood for all paths that could have been taken during that interval
and discards all but the most likely to terminate on each node. An arbitrary decision is
made if path metrics are equal. The metrics can be formed using either hard or soft decision
information with little difference in implementation complexity.

If the message has finite length and the encoder is subsequently flushed with zeros, a single
decoded path remains. With a BSC, this path corresponds to the valid code sequence with
minimum Hamming distance from the demodulated sequence. Full-length decoding becomes
impractical as the length of the message sequence increases. The most likely paths tend to
have a common stem, however, and selecting the trace value four or five times the constraint
length prior to the present decoding depth results in near-optimum performance. Since the
number of paths examined during each interval increases exponentially with the constraint
length, the Viterbi algorithm also becomes impractical for codes with large constraint length.
To date, Viterbi decoding has been implemented for codes with constraint lengths up to
ten. Other decoding techniques, such as sequential and threshold decoding, can be used
with larger constraint lengths.

Sequential decoding was proposed by Wozencraft, and the most widely used algorithm was
developed by Fano. Rather than tracking multiple paths through the trellis, the sequential
decoder operates on a single path while searching the code tree for a path with high proba-
bility. It makes tentative decisions regarding the transmitted sequence, computes a metric
between its proposed path and the demodulated sequence, and moves forward through the
tree as long as the metric indicates that the path is likely. If the likelihood of the path
becomes low, the decoder moves backward, searching other paths until it finds one with
high probability. The number of computations involved in this procedure is almost inde-
pendent of the constraint length and is typically quite small, but it can be highly variable,
depending on the channel. Buffers must be provided to store incoming sequences as the
decoder searches the tree. Their overflow is a significant limiting factor in the performance
of these decoders.

Figure 10.5 compares the performance of the Viterbi and sequential decoding algorithms
for several convolutional codes operating on coherently demodulated BPSK signals cor-
rupted by AWGN. Other decoding algorithms have also been developed, including syndrome
decoding methods such as table look-up feedback decoding and threshold decoding [6].
These algorithms are easily implemented but offer suboptimal performance. Techniques
such as the one discussed by [1] have been developed to support both soft input and soft
output, but these decoding techniques typically increase decoder complexity.

10.7 Trellis-Coded Modulation

Trellis-coded modulation (TCM) has received considerable attention since its development
by Ungerboeck in the late 1970s [11]. Unlike block and convolutional codes, TCM schemes
achieve coding gain by increasing the size of the signal alphabet and using multilevel /phase
signalling. Like convolutional codes, sequences of coded symbols are restricted to certain
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FIGURE 10.5 Convolutional code performance. Source: Omura, J.K. and Levitt, B.K., © 1982 IEEE, “Coded Error

Probability Evaluation for Antijjam Communication Systems,” IEEE Trans. Commun., vol. COM-30, no. 5, pp.
896-903. Reprinted by permission of IEEE.

valid patterns. In TCM, these patterns are chosen to have large Euclidean distance from
one another so that a large number of corrupted sequences can be corrected. The Viterbi
algorithm is often used to decode these sequences. Since the symbol transmission rate
does not increase, coded and uncoded signals require the same transmission bandwidth. If
transmission power is held constant, the signal constellation of the coded signal is denser.

The loss in symbol separation, however, is more than overcome by the error correction
capability of the code.

Ungerboeck investigated the increase in channel capacity that can be obtained by in-
creasing the size of the signal set and restricting the pattern of transmitted symbols, and
concluded that almost all of the additional capacity can be gained by doubling the number
of points in the signal constellation. This is accomplished by encoding the binary data
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with a rate R = k/(k + 1) code and mapping sequences of k + 1 coded bits to points in a
constellation of 25! symbols. For example, the rate 2/3 encoder of Fig. 10.6(a) encodes
pairs of source bits to three coded bits. Figure 10.6(b) depicts one stage in the trellis of the
coded output where, as with the convolutional code, the state of the encoder is defined by
the values of the two most recent bits to enter the shift register. Note that unlike the trellis
for the convolutional code, this trellis contains parallel paths between nodes.

00
Second (
mx Bit
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Bit Bit Bit 10
1 Stato <
Intermediate Binary Form
01
(a) Connection diagram
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010 101 (b) Ons stago In trellls
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000 100
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(c) 8-PSK constellation (d) 8-PAM constellation

FIGURE 10.6  Rate 2/3 trellis-coded modulation.

The key to improving performance with TCM is to map the coded bits to points in the
signal space such that the Euclidean distance between transmitted sequences is maximized.
A method that ensures improved Euclidean distance is the method of set partitioning.
This involves separating all parallel paths on the trellis with maximum distance and as-
signing the next greatest distance to paths that diverge from or merge onto the same node.
Figures 10.6(c) and 10.6(d) give examples of mappings for the rate 2/3 code with 8-PSK
and 8-PAM signal constellations, respectively.

As with convolutional codes, the free distance of a TCM code is defined as the minimum
distance between paths through the trellis, where the distance of concern is now Euclidean
distance rather than Hamming distance. The free distance of an uncoded signal is defined
as the distance between the closest signal points. When coded and uncoded signals have
the same average power, the coding gain of the TCM system is defined as

dfree, coded )

dfree, uncoded

coding gain = 20log,, < (10.9)
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It can be shown that the simple, rate 2/3 8 phase-shift keying (PSK) and 8 pulse-amplitude

modulation (PAM) TCM systems provide gains of 3 dB and 3.3 dB, respectively, [6]. More
complex TCM systems yield gains up to 6 dB. Tables of good codes are given in [11].

10.8 Additional Measures

When the demodulated sequence contains bursts of errors, the performance of codes de-
signed to correct independent errors improves if coded sequences are interleaved prior to
transmission and deinterleaved prior to decoding. Deinterleaving separates the burst er-
rors, making them appear more random and increasing the likelihood of accurate decoding.
It is generally sufficient to interleave several block lengths of a block coded signal or sev-
eral constraint lengths of a convolutionally encoded signal. Block interleaving is the most
straightforward approach, but delay and memory requirements are halved with convolu-
tional and helical interleaving techniques. Periodicity in the way sequences are combined is
avoided with pseudorandom interleaving.

Serially concatenated codes, first investigated by Forney, use two levels of coding to
achieve a level of performance with less complexity than a single coding stage would require.
The inner code interfaces with the modulator and demodulator and corrects the majority
of the errors; the outer code corrects errors that appear at the output of the inner-code
decoder. A convolutional code with Viterbi decoding is usually chosen as the inner code,
and an RS code is often chosen as the outer code due to its ability to correct the bursts of bit
errors which can result with incorrect decoding of trellis-coded sequences. Interleaving and
deinterleaving outer-code symbols between coding stages offers further protection against
the burst error output of the inner code.

Product codes effectively place the data in a two dimensional array and use FEC
techniques over both the rows and columns of this array. Not only do these codes result in
error protection in two dimensions, but the manner in which the array is constructed can
offer advantages similar to those achieved through interleaving.

10.9 Turbo Codes

The most recent significant achievement in FEC coding is the development of Turbo
codes [3]. The principle of this coding technique is to encode the data with two or more
constituent codes concatenated in parallel form. The received sequence is decoded in
an iterative, serial approach using soft-input, soft-output decoders. This iterative decoding
approach involves feedback of information in a manner similar to processes within the turbo
engine, giving this coding technique its name.

Turbo codes effectively result in the construction of relatively long codewords with few
codewords being close in terms of Hamming distance, while at the same time constraining
the implementation complexity of the decoder to practical limits. The first Turbo codes
developed used recursive systematic convolutional codes as the constituent codes, and punc-
tured them to improve the code rate. The use of other constituent codes has since been
considered. Two or more of these codes are concatenated in parallel,where code concate-
nation is combined with interleaving in order to increase the independence of the data
sequences encoded by the constituent encoders. This apparent increase in randomness,
implemented with simple interleavers, is an important contributing factor to the excellent
performance of the decoders.

As in other multi-stage coding techniques, the complexity of the decoder is limited
through use of separate decoding stages for each constituent code. The input to the first
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stage is the soft output of the demodulator for a finite-length received symbol sequence.
Subsequent stages use both the demodulator output and an output of the previous decoding
stage which is indicative of the reliability of the symbols. This information, gleaned from
soft-output decoders, is called extrinsic information.

Decoding proceeds by iterating through constituent decoders, each forwarding updated
extrinsic information to the next decoder, until a predefined number of iterations has been
completed or the extrinsic information indicates that high reliability has been achieved.
This approach results in very good performance at low values of Ey/Ny. Simulations have
demonstrated error rates of 1075 at signal-to-noise ratios appreciably less than 1 dB. At
higher values of £, /Ny, however, the performance curves can exhibit flattening if constituent
codes are chosen in a manner that results in an overall small Hamming distance for the code.

Although this coding technique has shown great promise, there remains considerable
work with regard to optimizing code parameters. Great strides have been made over the
last few years in understanding the structure of these codes and relating them to serially
concatenated and product codes, but many researchers are still examining these codes in
order to advance their development. With this research will come optimization of the Turbo
code process and application of these codes in various communication systems.

10.10 Applications

FEC coding remained of theoretical interest until advances in digital technology and im-
provements in decoding algorithms made their implementation possible. It has since become
an attractive alternative to improving other system components or boosting transmission
power. FEC codes are commonly used in digital storage systems, deep-space and satel-
lite communication systems, terrestrial radio and band limited wireline systems, and have
also been proposed for fiber optic transmission. Accordingly, the theory and practice of
error correcting codes now occupies a prominent position in the field of communications
engineering.

Deep-space systems began using forward error correction in the early 1970s to reduce
transmission power requirements, and used multiple error correcting RS codes for the first
time in 1977 to protect against corruption of compressed image data in the Voyager mis-
sions [12]. The Consultative Committee for Space Data Systems (CCSDS) has since rec-
ommended use of a concatenated coding system which uses a rate 1/2, constraint length 7
convolutional inner code and a (255, 223) RS outer code.

Coding is now commonly used in satellite systems to reduce power requirements and over-
all hardware costs and to allow closer orbital spacing of geosynchronous satellites [2]. FEC
codes play integral roles in the VSAT, MSAT, INTELSAT, and INMARSAT systems [13].
Further, a (31, 15) RS code is used in the joint tactical information distribution system
(JTIDS), a (7, 2) RS code is used in the air force satellite communication system (AFSAT-
COM), and a (204, 192) RS code has been designed specifically for satellite time division
multiple access (TDMA) systems. Another code designed for military applications involves
concatenation of a Golay and RS code with interleaving to ensure an imbalance of 1’s and
(’s in the transmitted symbol sequence and enhance signal recovery under severe noise and
interference [2].

TCM has become commonplace in transmission of data over voiceband telephone chan-
nels. Modems developed since 1984 use trellis coded QAM modulation to provide robust
communication at rates above 9.6 kb/s. Various coding techniques are used in the new
digital cellular and personal communication standards, with an emphasis on convolutional
and cyclic redundancy check codes [8].
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FEC codes have also been widely used in digital recording systems, most prominently in
the compact disc digital audio system. This system uses two levels of coding and interleaving
in the cross-interleaved RS coding (CIRC) system to correct errors that result from disc
imperfections and dirt and scratches which accumulate during use. Steps are also taken to
mute uncorrectable sequences [12].

Defining Terms

Binary symmetric channel: A memoryless discrete data channel with binary sig-
nalling, hard-decision demodulation, and channel impairments that do not de-
pend on the value of the symbol transmitted.

Bounded distance decoding: Limiting the error patterns which are corrected in an
imperfect code to those with ¢ or fewer errors.

Catastrophic code: A convolutional code in which a finite number of code symbol
errors can cause an unlimited number of decoded bit errors.

Code rate: The ratio of source word length to codeword length, indicative of the
amount of information transmitted per encoded symbol.

Coding gain: The reduction in signal-to-noise ratio required for specified error per-
formance in a block or convolutional coded system over an uncoded system with
the same information rate, channel impairments, and modulation and demodu-
lation techniques. In TCM, the ratio of the squared free distance in the coded
system to that of the uncoded system.

Column distance: The minimum Hamming distance between convolutionally en-
coded sequences of a specified length with different leading n-tuples.

Constituent codes: Two or more FEC codes that are combined in concatenated
coding techniques.

Cyeclic code: A block code in which cyclic shifts of code vectors are also code vectors.

Cyclic redundancy check: When the syndrome of a cyclic block code is used to
detect errors.

Designed distance: The guaranteed minimum distance of a BCH code designed to
correct up to ¢ errors.

Discrete data channel: The concatenation of all system elements between FEC en-
coder output and decoder input.

Distance profile: The minimum Hamming distance after each encoding interval of
convolutionally encoded sequences which differ in the first interval.

Erasure: A position in the demodulated sequence where the symbol value is unknown.

Extrinsic information: The output of a constituent soft decision decoder that is
forwarded as input to the next decoding stage in iterative decoding of Turbo
codes.

Finite field: A finite set of elements and operations of addition and multiplication
that satisfy specific properties. Often called Galois fields and denoted GF(g),
where ¢ is the number of elements in the field. Finite fields exist for all ¢ which
are prime or the power of a prime.

Free distance: The minimum Hamming weight of convolutionally encoded sequences
that diverge and remerge in the trellis. Equals the maximum column distance
and the limiting value of the distance profile.
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Generator matrix: A matrix used to describe a linear code. Code vectors equal the
information vectors multiplied by this matrix.

Generator polynomial: The polynomial that is a divisor of all codeword polynomi-
als in a cyclic block code; a polynomial that describes circuit connections in a
convolutional encoder.

Hamming distance: The number of symbols in which codewords differ.
Hard decision: Demodulation that outputs only a value for each received symbol.

Interleaving: Shuffling the coded bit sequence prior to modulation and reversing
this operation following demodulation. Used to separate and redistribute burst
errors over several codewords (block codes) or constraint lengths (trellis codes)
for higher probability of correct decoding by codes designed to correct random
errors.

Linear code: A code whose code vectors form a vector space. Equivalently, a code
where the addition of any two code vectors forms another code vector.

Maximum distance separable: A code with the largest possible minimum distance
given the block length and code rate. These codes meet the Singleton bound of
dmin <n- k+ 1.

Metric: A measure of goodness against which items are judged. In the Viterbi algo-
rithm, an indication of the probability of a path being taken given the demodu-
lated symbol sequence.

Minimum distance: In a block code, the smallest Hamming distance between any
two codewords. In a convolutional code, the column distance after K intervals.

Parity check matrix: A matrix whose rows are orthogonal to the rows in the gener-
ator matrix of a linear code. Errors can be detected by multiplying the received
vector by this matrix.

Perfect code: At error correcting (n, k) block code in which ¢"~% — 1 =%¢_ (7).

Puncturing: Periodic deletion of code symbols from the sequence generated by a
convolutional encoder for purposes of constructing a higher rate code. Also,
deletion of parity bits in a block code.

Set partitioning: Rules for mapping coded sequences to points in the signal constel-
lation that always result in a larger Euclidean distance for a TCM system than
an uncoded system, given appropriate construction of the trellis.

Shannon Limit: The ratio of energy per data bit Ej to one-sided noise power spectral
density Ny in an AWGN channel above which errorless transmission is possible
when bandwidth limitations are not placed on the signal and transmission is at
channel capacity. This limit has the value In2 = 0.693 = —1.6 dB.

Soft decision: Demodulation that outputs an estimate of the received symbol value
along with an indication of the reliability of this value. Usually implemented by
quantizing the received signal to more levels than there are symbol values.

Standard array decoding: Association of an error pattern with each syndrome by
way of a lookup table.

Syndrome: An indication of whether or not errors are present in the demodulated
symbol sequence.

Systematic code: A code in which the values of the message symbols can be identified
by inspection of the code vector.

Vector space: An algebraic structure comprised of a set of elements in which opera-
tions of vector addition and scalar multiplication are defined. For our purposes, a
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set of n-tuples consisting of symbols from GF(g) with addition and multiplication
defined in terms of elementwise operations from this finite field.

Viterbi algorithm: A maximum-likelihood decoding algorithm for trellis codes that
discards low-probability paths at each stage of the trellis, thereby reducing the
total number of paths that must be considered.
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Further Information

There is now a large amount of literature on the subject of FEC coding. An introduction
to the philosophy and limitations of these codes can be found in the second chapter of
Lucky’s book Silicon Dreams: Information, Man, and Machine, St. Martin’s Press, New
York, 1989. More practical introductions can be found in overview chapters of many com-
munications texts. The number of texts devoted entirely to this subject also continues to
grow. Although these texts summarize the algebra underlying block codes, more in-depth
treatments can be found in mathematical texts. Survey papers appear occasionally in the
literature, but the interested reader is directed to the seminal papers by Shannon, Ham-
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ming, Reed and Solomon, Bose and Chaudhuri, Hocquenghem, Wozencraft, Fano, Forney,
Berlekamp, Massey, Viterbi, Ungerboeck, Berrou and Glavieux, among others. The most
recent advances in the theory and implementation of error control codes are published in
IEEE Transactions on Information Theory, IEEE Transactions on Communications, and
special issues of IEEE Journal on Selected Areas in Communications.
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11.1 A Brief History

Spread spectrum (SS) has its origin in the military arena where the friendly communicator
is 1) susceptible to detection/interception by the enemy and 2) vulnerable to intentionally
introduced unfriendly interference (jamming). Communication systems that employ spread
spectrum to reduce the communicator’s detectability and combat the enemy-introduced
interference are respectively referred to as low probability of intercept (LPI) and an-
tijam (AJ) communication systems. With the change in the current world political
situation wherein the U.S. Department of Defense (DOD) has reduced its emphasis on the
development and acquisition of new communication systems for the original purposes, a
host of new commercial applications for SS has evolved, particularly in the area of cellu-
lar mobile communications. This shift from military to commercial applications of SS has
demonstrated that the basic concepts that make SS techniques so useful in the military can
also be put to practical peacetime use. In the next section, we give a simple description of
these basic concepts using the original military application as the basis of explanation. The
extension of these concepts to the mentioned commercial applications will be treated later
on in the chapter.

11.2 Why Spread Spectrum?

Spread spectrum is a communication technique wherein the transmitted modulation is
spread (increased) in bandwidth prior to transmission over the channel and then despread
(decreased) in bandwidth by the same amount at the receiver. If it were not for the fact
that the communication channel introduces some form of narrowband (relative to the spread
bandwidth) interference, the receiver performance would be transparent to the spreading
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11-2 CHAPTER 11. SPREAD SPECTRUM COMMUNICATIONS

and despreading operations (assuming that they are identical inverses of each other). That
is, after despreading the received signal would be identical to the transmitted signal prior
to spreading. In the presence of narrowband interference, however, there is a significant
advantage to employing the spreading/despreading procedure described. The reason for
this is as follows. Since the interference is introduced after the transmitted signal is spread,
then, whereas the despreading operation at the receiver shrinks the desired signal back to
its original bandwidth, at the same time it spreads the undesired signal (interference) in
bandwidth by the same amount, thus reducing its power spectral density. This, in turn,
serves to diminish the effect of the interference on the receiver performance, which depends
on the amount of interference power in the despread bandwidth. It is indeed this very
simple explanation, which is at the heart of all spread spectrum techniques.

11.3 Basic Concepts and Terminology

To describe this process analytically and at the same time introduce some terminology that
is common in spread spectrum parlance, we proceed as follows. Consider a communicator
that desires to send a message using a transmitted power S Watts (W) at an information
rate Ry bits/s (bps). By introducing a SS modulation, the bandwidth of the transmitted
signal is increased from R, Hz to Wgs Hz where Wgg > R; denotes the spread spec-
trum bandwidth. Assume that the channel introduces, in addition to the usual thermal
noise (assumed to have a single-sided power spectral density (PSD) equal to Ny W/Hz),
an additive interference (jamming) having power J distributed over some bandwidth W;.
After despreading, the desired signal bandwidth is once again now equal to Ry Hz and the
interference PSD is now N; = J/Wgs. Note that since the thermal noise is assumed to be
white, i.e., it is uniformly distributed over all frequencies, its PSD is unchanged by the de-
spreading operation and, thus, remains equal to Ny. Regardless of the signal and interferer
waveforms, the equivalent bit energy-to-total noise spectral density ratio is, in terms of the
given parameters,

E, B S/ Ry

N, No+ Ny N0+J/Wss
For most practical scenarios, the jammer limits performance and, thus, the effects of receiver

noise in the channel can be ignored. Thus, assuming N; > Ny, we can rewrite Eq. (11.1)
as

(11.1)

By By _ S/Ry _SWis

N, Ny J/Wss J R,

where the ratio J/ S is the jammer-to-signal power ratio and the ratio Wgg/ Ry is the spread-
ing ratio and is defined as the processing gain of the system. Since the ultimate error
probability performance of the communication receiver depends on the ratio E,/Ny, we see
that from the communicator’s viewpoint his goal should be to minimize J/S (by choice
of §) and maximize the processing gain (by choice of Wsg for a given desired information
rate). The possible strategies for the jammer will be discussed in the section on military
applications dealing with AJ communications.

(11.2)

11.4 Spread Spectrum Techniques

By far the two most popular spreading techniques are direct sequence (DS) modulation
and frequency hopping (FH) modulation. In the following subsections, we present a
brief description of each.
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FIGURE 11.1 A DS-BPSK system (complex form).

11.4.1 Direct Sequence Modulation

A direct sequence modulation ¢(t) is formed by linearly modulating the output sequence
{cn} of a pseudorandom number generator onto a train of pulses, each having a duration
T, called the chip time. In mathematical form,

o0

e(t) = Z enp (t —nl) (11.3)

n=—oo

where p(t) is the basic pulse shape and is assumed to be of rectangular form. This type of
modulation is usually used with binary phase-shift-keyed (BPSK) information signals, which
have the complex form d(t) exp{j(2m f.t+6.)}, where d(t) is a binary-valued data waveform
of rate 1/7}, bits/s and f. and 6, are the frequency and phase of the data-modulated carrier,
respectively. As such, a DS/BPSK signal is formed by multiplying the BPSK signal by c(t)
(see Fig. 11.1), resulting in the real transmitted signal

a(t) = Re{c(t)d(t) exp [j (27 fet + 0c)]} (11.4)

Since 7, is chosen so that T}, > T., then relative to the bandwidth of the BPSK information
signal, the bandwidth of the DS/BPSK signal® is effectively increased by the ratio 7p/T. =
Wss /2Ry, which is one-half the spreading factor or processing gain of the system. At the
receiver, the sum of the transmitted DS/BPSK signal and the channel interference I(t) (as
discussed before, we ignore the presence of the additive thermal noise) are ideally multiplied
by the identical DS modulation (this operation is known as despreading), which returns the
DS/BPSK signal to its original BPSK form whereas the real interference signal is now
the real wideband signal Re{I(¢)c(¢)}. In the previous sentence, we used the word ideally,
which implies that the PN waveform used for despreading at the receiver is identical to
that used for spreading at the transmitter. This simple implication covers up a multitude
of tasks that a practical DS receiver must perform. In particular, the receiver must first
acquire the PN waveform. That is, the local PN random generator that generates the PN
waveform at the receiver used for despreading must be aligned (synchronized) to within
one chip of the PN waveform of the received DS/BPSK signal. This is accomplished by
employing some sort of search algorithm which typically steps the local PN waveform
sequentially in time by a fraction of a chip (e.g., half a chip) and at each position searches
for a high degree of correlation between the received and local PN reference waveforms. The
search terminates when the correlation exceeds a given threshold, which is an indication
that the alignment has been achieved. After bringing the two PN waveforms into coarse
alignment, a tracking algorithm is employed to maintain fine alignment. The most

1For the usual case of a rectangular spreading pulse p(t), the PSD of the DS/BPSK modulation will
have (sinz/x)? form with first zero crossing at 1/T., which is nominally taken as one-half the spread
spectrum bandwidth Wgs.
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11-4 CHAPTER 11. SPREAD SPECTRUM COMMUNICATIONS

popular forms of tracking loops are the continuous time delay-locked loop and its time-
multiplexed version the tau~dither loop. It is the difficulty in synchronizing the receiver
PN generator to subnanosecond accuracy that limits PN chip rates to values on the order
of hundreds of Mchips/s, which implies the same limitation on the DS spread spectrum
bandwidth Wss.

11.4.2 Frequency Hopping Modulation

A frequency hopping (FH) modulation c(t) is formed by nonlinearly modulating a
train of pulses with a sequence of pseudorandomly generated frequency shifts {f,}. In
mathematical terms, ¢(t) has the complex form

o0

c(t) = Z exp{j 2nfn + ¢n)}p (t — nTh) (11.5)

n=—oo

where p(t) is again the basic pulse shape having a duration T}, called the hop time and {¢,}
is a sequence of random phases associated with the generation of the hops. FH modulation
is traditionally used with multiple-frequency-shift-keyed (MFSK) information signals, which
have the complex form exp{j[27(f.+d(t))t]}, where d(t) is an M-level digital waveform (M
denotes the symbol alphabet size) representing the information frequency modulation at a
rate 1/T symbols/s (sps). As such, an FH/MFSK signal is formed by complex multiplying
the MF'SK signal by ¢(t) resulting in the real transmitted signal

2(t) = Re {c(t) exp {j 27 (/e + d(1))t]}} (11.6)

In reality, c(t) is never generated in the transmitter. Rather, z(t) is obtained by applying the
sequence of pseudorandom frequency shifts {f,} directly to the frequency synthesizer that
generates the carrier frequency f. (see Fig. 11.2). In terms of the actual implementation,
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FIGURE11.2 An FH-MFSK system.

successive (not necessarily disjoint) k-chip segments of a PN sequence drive a frequency
synthesizer, which hops the carrier over 2% frequencies. In view of the large bandwidths
over which the frequency synthesizer must operate, it is difficult to maintain phase coherence
from hop to hop, which explains the inclusion of the sequence {¢,,} in the Eq. (11.5) model
for ¢(t). On a short term basis, e.g., within a given hop, the signal bandwidth is identical
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11.4. SPREAD SPECTRUM TECHNIQUES 11-5

to that of the MFSK information modulation, which is typically much smaller than W.
On the other hand, when averaged over many hops, the signal bandwidth is equal to Wy,
which can be on the order of several GHz, i.e., an order of magnitude larger than that of
implementable DS bandwidths. The exact relation between Wss, Ty, T, and the number of
frequency shifts in the set {f,} will be discussed shortly.

At the receiver, the sum of the transmitted FH/MFSK signal and the channel interference
I(t) is ideally complex multiplied by the identical FH modulation (this operation is known
as dehopping), which returns the FH/MFSK signal to its original MFSK form, whereas
the real interference signal is now the wideband (in the average sense) signal Re{I(t)c(t)}.
Analogous to the DS case, the receiver must acquire and track the FH signal so that the
dehopping waveform is as close to the hopping waveform c(t) as possible.

FH systems are traditionally classified in accordance with the relationship between 7T},
and T,. Fast frequency-hopped (FFH) systems are ones in which there exists one or
more hops per data symbol, that is, Ts = NT} (N an integer) whereas slow frequency-
hopped (SFH) systems are ones in which there exists more than one symbol per hop, that
is, Th, = NT,. It is customary in SS parlance to refer to the FH/MFSK tone of shortest
duration as a “chip”, despite the same usage for the PN chips associated with the code
generator that drives the frequency synthesizer. Keeping this distinction in mind, in an
FFH system where, as already stated, there are multiple hops per data symbol, a chip is
equal to a hop. For SFH, where there are multiple data symbols per hop, a chip is equal to
an MFSK symbol. Combining these two statements, the chip rate R. in an FH system is
given by the larger of R, = 1/T) and R; =1 /T, and, as such, is the highest system clock
rate.

The frequency spacing between the FH/MFSK tones is governed by the chip rate R,
and is, thus, dependent on whether the FH modulation is FFH or SFH. In particular,
for SFH where R, = R, the spacing between FH/MFSK tones is equal to the spacing
between the MFSK tones themselves. For noncoherent detection (the most commonly
encountered in FH/MFSK systems), the separation of the MFSK symbols necessary to
provide orthogonality? is an integer multiple of R,. Assuming the minimum spacing, i.e.,
R,, the entire spread spectrum band is then partitioned into a total of N; = Wss/Rs =
Was/R. equally spaced FH tones. One arrangement, which is by far the most common,
is to group these N, tones into N, = N;/M contiguous, nonoverlapping bands, each with
bandwidth MR, = MR,; see Fig. 11.3a. Assuming symmetric MFSK modulation around
the carrier frequency, then the center frequencies of the N, = 2% bands represent the set of
hop carriers, each of which is assigned to a given k-tuple of the PN code generator. In this
fixed arrangement, each of the N; FH/MFSK tones corresponds to the combination of a
unique hop carrier (PN code k-tuple) and a unique MFSK symbol. Another arrangement,
which provides more protection against the sophisticated interferer (jammer), is to overlap
adjacent M-ary bands by an amount equal to R.; see Fig. 11.3b. Assuming again that
the center frequency of each band corresponds to a possible hop carrier, then since all but
M — 1 of the N; tones are available as center frequencies, the number of hop carriers has
been increased from Ni/M to Ny — (M —1), which for N; > M is approximately an increase
in randomness by a factor of M.

2An optimum noncoherent MFSK detector consists of a bank of energy detectors each matched to one
of the M frequencies in the MFSK set. In terms of this structure, the notion of orthogonality implies
that for a given transmitted frequency there will be no crosstalk (energy spillover) in any of the other
M — 1 energy detectors.

187



11-6 CHAPTER 11. SPREAD SPECTRUM COMMUNICATIONS

N,=4N, ]
No-le——
----- o
N2
N, ~3———— |

R — = — —. L MR,
f l

4k- 1

k-3

® == B
2

|

Figure 11.3a  Frequency distribution for FH-4FSK—nonoverlapping bands. Dashed lines indicate location of hop
frequencies.

For FFH, where R, = Ry, the spacing between FH/MFSK tones is equal to the hop rate.
Thus, the entire spread spectrum band is partitioned into a total of N; = Wigg /Ry = Wgs/ Re
equally spaced FH tones, each of which is assigned to a unique k-tuple of the PN code
generator that drives the frequency synthesizer. Since for FFH there are Rj/R, hops
per symbol, then the metric used to make a noncoherent decision on a particular symbol
is obtained by summing up Rj/Rs detected chip (hop) energies, resulting in a so-called
noncoherent combining loss.
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Figure 11.3b  Frequency distribution for FH-4FSK—over-lapping bands.

11.4.3 Time Hopping Modulation

>

11-7

Time hopping (TH) is to spread spectrum modulation what pulse position modulation
(PPM) is to information modulation. In particular, consider segmenting time into intervals
of Ty seconds and further segment each Ty interval into My increments of width 7'/ M.
Assuming a pulse of maximum duration equal to T¢/My, then a time hopping spread
spectrum modulation would take the form

- X[

N=--00
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11-8 CHAPTER 11. SPREAD SPECTRUM COMMUNICATIONS

where a,, denotes the pseudorandom position (one of M7 uniformly spaced locations) of the
pulse within the T-second interval.

For DS and FH, we saw that multiplicative modulation, that is the transmitted signal
is the product of the SS and information signals, was the natural choice. For TH, delay
modulation is the natural choice. In particular, a TH-SS modulation takes the form

2(t) = Re{c(t — d(t)) exp[j (27 f. + &7)]} (11.8)

where d(t) is a digital information modulation at a rate 1/7 sps. Finally, the dehopping
procedure at the receiver consists of removing the sequence of delays introduced by c(t),
which restores the information signal back to its original form and spreads the interferer.

11.4.4 Hybrid Modulations

By blending together several of the previous types of SS modulation, one can form hy-
brid modulations that, depending on the system design objectives, can achieve a better
performance against the interferer than can any of the SS modulations acting alone. One
possibility is to multiply several of the c(t) wideband waveforms [now denoted by ¢ (t) to
distinguish them from one another| resulting in a SS modulation of the form

c(t) = Hc(i) (t) (11.9)

%

Such a modulation may embrace the advantages of the various c(*(t), while at the same
time mitigating their individual disadvantages.

11.5 Applications of Spread Spectrum

11.5.1 Military

Antijam (AJ) Communications

As already noted, one of the key applications of spread spectrum is for antijam com-
munications in a hostile environment. The basic mechanism by which a direct sequence
spread spectrum receiver attenuates a noise jammer was illustrated in Section 11.3.
Therefore, in this section, we will concentrate on tone jamming.

Assume the received signal, denoted r(t), is given by

r(t) = Az(t) + I(t) + ny(t) (11.10)
where z(t) is given in Eq. (11.4), A is a constant amplitude,
I(t) = acos (2m f.t + 0) (11.11)

and n, (t) is additive white Gaussian noise (AWGN) having two-sided spectral density No/2.
In Eq. (11.11), « is the amplitude of the tone jammer and # is a random phase uniformly
distributed in [0, 27] .

If we employ the standard correlation receiver of Fig. 11.4, it is straightforward to show
that the final test statistic out of the receiver is given by

Ty
o(Ty) :ATb+acos0/ ot) dt + N (Ty) (11.12)
0
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FIGURE 11.4 Standard correlation receiver.

where N (T}) is the contribution to the test statistic due to the AWGN. Noting that, for
rectangular chips, we can express

Ty M
/ ct)dt=T.» ¢ (11.13)
0 i=1
where
A Tb
M= — 11.14
T ( )

is one-half of the processing gain, it is straightforward to show that, for a given value of 9,
the signal-to-noise-plus-interference ratio, denoted by S/Niotal, is given by

S

1
= (11.15)
N
Niotal 28, T (ﬁ) cos?
In Eq. (11.15), the jammer power is
2
J2 X (11.16)
2
and the signal power is
a A?
S = —2“ (11.17)

If we look at the second term in the denominator of Eq. (11.15), we see that the ratio
J/S is divided by M. Realizing that J/S is the ratio of the jammer power to the signal
power before despreading, and J/M S is the ratio of the same quantity after despreading,
we see that, as was the case for noise jamming, the benefit of employing direct sequence
spread spectrum signalling in the presence of tone jamming is to reduce the effect of the
jammer by an amount on the order of the processing gain.

Finally, one can show that an estimate of the average probability of error of a system of

this type is given by
I [~ S
P =— - dé (11.18)
27 0 ¢ < Ntotal)

o(z) 2 —\/-:%—W/_ e V2 gy (11.19)

where

If Eq. (11.18) is evaluated numerically and plotted, the results are as shown in Fig. 11.5. It
is clear from this figure that a large initial power advantage of the jammer can be overcome
by a sufficiently large value of the processing gain.
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FIGURE11.5 Plotted results of Eq. (11.18).

Low-Probability of Intercept (LPI)

The opposite side of the AJ problem is that of LPI, that is, the desire to hide your
signal from detection by an intelligent adversary so that your transmissions will remain
unnoticed and, thus, neither jammed nor exploited in any manner. This idea of designing
an LPI system is achieved in a variety of ways, including transmitting at the smallest
possible power level, and limiting the transmission time to as short an interval in time as is
possible. The choice of signal design is also important, however, and it is here that spread
spectrum techniques become relevant.

The basic mechanism is reasonably straightforward; if we start with a conventional nar-
rowband signal, say a BPSK waveform having a spectrum as shown in Fig. 11.6a, and then
spread it so that its new spectrum is as shown in Fig. 11.6b, the peak amplitude of the
spectrum after spreading has been reduced by an amount on the order of the processing
gain relative to what it was before spreading. Indeed, a sufficiently large processing gain will
result in the spectrum of the signal after spreading falling below the ambient thermal noise
level. Thus, there is no easy way for an unintended listener to determine that a transmission
is taking place.
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Figure 11.6a

Figure 11.6b

That is not to say the spread signal cannot be detected, however, merely that it is more
difficult for an adversary to learn of the transmission. Indeed, there are many forms of so-
called intercept receivers that are specifically designed to accomplish this very task. By way
of example, probably the best known and simplest to implement is a radiometer, which
is just a device that measures the total power present in the received signal. In the case
of our intercept problem, even though we have lowered the power spectral density of the
transmitted signal so that it falls below the noise floor, we have not lowered its power (i.e.,
we have merely spread its power over a wider frequency range). Thus, if the radiometer
integrates over a sufficiently long period of time, it will eventually determine the presence
of the transmitted signal buried in the noise. The key point, of course, is that the use of
the spreading makes the interceptor’s task much more difficult, since he has no knowledge
of the spreading code and, thus, cannot despread the signal.

11.5.2 Commercial

Multiple Access Communications

From the perspective of commercial applications, probably the most important use of
spread spectrum communications is as a multiple accessing technique. When used in this
manner, it becomes an alternative to either frequency division multiple access (FDMA) or
time division multiple access (TDMA) and is typically referred to as either code division
multiple access (CDMA) or spread spectrum multiple access (SSMA). When using CDMA,
each signal in the set is given its own spreading sequence. As opposed to either FDMA,
wherein all users occupy disjoint frequency bands but are transmitted simultaneously in
time, or TDMA, whereby all users occupy the same bandwidth but transmit in disjoint
intervals of time, in CDMA, all signals occupy the same bandwidth and are transmitted si-
multaneously in time; the different waveforms in CDMA are distinguished from one another
at the receiver by the specific spreading codes they employ.

Since most CDMA detectors are correlation receivers, it is important when deploying
such a system to have a set of spreading sequences that have relatively low-pairwise cross-
correlation between any two sequences in the set. Further, there are two fundamental types
of operation in CDMA, synchronous and asynchronous. In the former case, the symbol
transition times of all of the users are aligned; this allows for orthogonal sequences to be
used as the spreading sequences and, thus, eliminates interference from one user to another.

193



11-12 CHAPTER 11. SPREAD SPECTRUM COMMUNICATIONS

Alternately, if no effort is made to align the sequences, the system operates asychronously;
in this latter mode, multiple access interference limits the ultimate channel capacity, but
the system design exhibits much more flexibility.

CDMA has been of particular interest recently for applications in wireless communica-
tions. These applications include cellular communications, personal communications ser-
vices (PCS), and wireless local area networks. The reason for this popularity is primarily
due to the performance that spread spectrum waveforms display when transmitted over a
multipath fading channel.

To illustrate this idea, consider DS signalling. As long as the duration of a single chip of
the spreading sequence is less than the multipath delay spread, the use of DS waveforms
provides the system designer with one of two options. First, the multipath can be treated
as a form of interference, which means the receiver should attempt to attenuate it as much
as possible. Indeed, under this condition, all of the multipath returns that arrive at the
receiver with a time delay greater than a chip duration from the multipath return to which
the receiver is synchronized (usually the first return) will be attenuated because of the
processing gain of the system.

Alternately, the multipath returns that are separated by more than a chip duration from
the main path represent independent “looks” at the received signal and can be used con-
structively to enhance the overall performance of the receiver. That is, because all of the
multipath returns contain information regarding the data that is being sent, that infor-
mation can be extracted by an appropriately designed receiver. Such a receiver, typically
referred to as a RAKE receiver, attempts to resolve as many individual multipath returns
as possible and then to sum them coherently. This results in an implicit diversity gain, com-
parable to the use of explicit diversity, such as receiving the signal with multiple antennas.

The condition under which the two options are available can be stated in an alternate
manner. If one envisions what is taking place in the frequency domain, it is straightforward
to show that the condition of the chip duration being smaller than the multipath delay
spread is equivalent to requiring that the spread bandwidth of the transmitted waveform
exceed what is called the coherence bandwidth of the channel. This latter quantity is simply
the inverse of the multipath delay spread and is a measure of the range of frequencies that
fade in a highly correlated manner. Indeed, anytime the coherence bandwidth of the channel
is less than the spread bandwidth of the signal, the channel is said to be frequency selective
with respect to the signal. Thus, we see that to take advantage of DS signalling when used
over a multipath fading channel, that signal should be designed such that it makes the
channel appear frequency selective.

In addition to the desirable properties that spread spectrum signals display over multi-
path channels, there are two other reasons why such signals are of interest in cellular-type
applications. The first has to do with a concept known as the reuse factor. In conventional
cellular systems, either analog or digital, in order to avoid excessive interference from one
cell to its neighbor cells, the frequencies used by a given cell are not used by its immediate
neighbors (i.e., the system is designed so that there is a certain spatial separation between
cells that use the same carrier frequencies). For CDMA, however, such spatial isolation is
typically not needed, so that so-called universal reuse is possible.

Further, because CDMA systems tend to be interference limited, for those applications
involving voice transmission, an additional gain in the capacity of the system can be achieved
by the use of voice activity detection. That is, in any given two-way telephone conversation,
each user is typically talking only about 50% of the time. During the time when a user is
quiet, he is not contributing to the instantaneous interference. Thus, if a sufficiently large
number of users can be supported by the system, statistically only about one-half of them
will be active simultaneously, and the effective capacity can be doubled.
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Interference Rejection

In addition to providing multiple accessing capability, spread spectrum techniques are
of interest in the commercial sector for basically the same reasons they are in the military
community, namely their AJ and LPI characteristics. However, the motivations for such
interest differ. For example, whereas the military is interested in ensuring that systems
they deploy are robust to interference generated by an intelligent adversary (i.e., exhibit
jamming resistance), the interference of concern in commercial applications is unintentional.
It is sometimes referred to as cochannel interference (CCI) and arises naturally as the
result of many services using the same frequency band at the same time. And while such
scenarios almost always allow for some type of spatial isolation between the interfering
waveforms, such as the use of narrow-beam antenna patterns, at times the use of the inherent
interference suppression property of a spread spectrum signal is also desired. Similarly,
whereas the military is very much interested in the LPI property of a spread spectrum
waveform, as indicated in Section 11.3, there are applications in the commercial segment
where the same characteristic can be used to advantage.

To illustrate these two ideas, consider a scenario whereby a given band of frequencies is
somewhat sparsely occupied by a set of conventional (i.e., nonspread) signals. To increase
the overall spectral efficiency of the band, a set of spread spectrum waveforms can be overlaid
on the same frequency band, thus forcing the two sets of users to share common spectrum.
Clearly, this scheme is feasible only if the mutual interference that one set of users imposes
on the other is within tolerable limits. Because of the interference suppression properties of
spread spectrum waveforms, the despreading process at each spread spectrum receiver will
attenuate the components of the final test statistic due to the overlaid narrowband signals.
Similarly, because of the LPI characteristics of spread spectrum waveforms, the increase in
the overall noise level as seen by any of the conventional signals, due to the overlay, can be
kept relatively small.

Defining Terms

Antijam communication system: A communication system designed to resist in-
tentional jamming by the enemy.

Chip time (interval): The duration of a single pulse in a direct sequence modula-
tion; typically much smaller than the information symbol interval.

Coarse alignment: The process whereby the received signal and the despreading
signal are aligned to within a single chip interval.

Dehopping: Despreading using a frequency-hopping modulation.

Delay-locked loop: A particular implementation of a closed-loop technique for main-
taining fine alignment.

Despreading: The notion of decreasing the bandwidth of the received (spread) signal
back to its information bandwidth.

Direct sequence modulation: A signal formed by linearly modulating the output
sequence of a pseudorandom number generator onto a train of pulses.

Direct sequence spread spectrum: A spreading technique achieved by multiplying
the information signal by a direct sequence modulation.

Fast frequency-hopping: A spread spectrum technique wherein the hop time is less
than or equal to the information symbol interval, i.e., there exist one or more
hops per data symbol.
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Fine alignment: The state of the system wherein the received signal and the de-
spreading signal are aligned to within a small fraction of a single chip interval.

Frequency-hopping modulation: A signal formed by nonlinearly modulating a
train of pulses with a sequence of pseudorandomly generated frequency shifts.

Hop time (interval): The duration of a single pulse in a frequency-hopping modu-
lation.

Hybrid spread spectrum: A spreading technique formed by blending together sev-
eral spread spectrum techniques, e.g., direct sequence, frequency-hopping, etc.

Low-probability-of-intercept communication system: A communication system
designed to operate in a hostile environment wherein the enemy tries to detect
the presence and perhaps characteristics of the friendly communicator’s trans-
mission.

Processing gain (spreading ratio): The ratio of the spread spectrum bandwidth
to the information data rate.

Radiometer: A device used to measure the total energy in the received signal.

Search algorithm: A means for coarse aligning (synchronizing) the despreading sig-
nal with the received spread spectrum signal.

Slow frequency-hopping: A spread spectrum technique wherein the hop time is
greater than the information symbol interval, i.e., there exists more than one
data symbol per hop.

Spread spectrum bandwidth: The bandwidth of the transmitted signal after spread-
ing.

Spreading: The notion of increasing the bandwidth of the transmitted signal by a
factor far in excess of its information bandwidth.

Tau—dither loop: A particular implementation of a closed-loop technique for main-
taining fine alignment.

Time-hopping spread spectrum: A spreading technique that is analogous to pulse
position modulation.

Tracking algorithm: An algorithm (typically closed loop) for maintaining fine align-
ment.
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12.1 Introduction

Diversity is a commonly used technique in mobile radio systems to combat signal fading,.
The basic principle of diversity is as follows. If several replicas of the same information-
carrying signal are received over multiple channels with comparable strengths, which exhibit
independent fading, then there is a good likelihood that at least one or more of these
received signals will not be in a fade at any given instant in time, thus making it possible to
deliver adequate signal level to the receiver. Without diversity techniques, in noise limited
conditions, the transmitter would have to deliver a much higher power level to protect the
link during the short intervals when the channel is severely faded. In mobile radio, the
power available on the reverse link is severely limited by the battery capacity of hand-held
subscriber units. Diversity methods play a crucial role in reducing transmit power needs.
Also, cellular communication networks are mostly interference limited and, once again,
mitigation of channel fading through use of diversity can translate into reduced variability
of carrier-to-interference ratio (C/I), which in turn means lower C/I margin and hence
better reuse factors and higher system capacity.

The basic principles of diversity have been known since 1927 when the first experiments
in space diversity were reported. There are many techniques for obtaining independently
fading branches, and these can be subdivided into two main classes. The first are explicit
techniques where explicit redundant signal transmission is used to exploit diversity channels.
Use of dual polarized signal transmission and reception in many point-to-point radios is an
example of explicit diversity. Clearly such redundant signal transmission involves a penalty
in frequency spectrum or additional power. In the second class are implicit diversity tech-

0-8493-8597-0/99/$0.00+$.50
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niques: the signal is transmitted only once, but the decorrelating effects in the propagation
medium such as multipaths are exploited to receive signals over multiple diversity channels.
A good example of implicit diversity is the RAKE receiver in code division multiple ac-
cess (CDMA) systems, which uses independent fading of resolvable multipaths to achieve
diversity gain. Figure 12.1 illustrates the principle of diversity where two independently
fading signals are shown along with the selection diversity output signal which selects the
stronger signal. The fades in the resulting signal have been substantially smoothed out
while also yielding higher average power.

-100

Signal Level in dB
[} |
= o
=) &

H
-
-
(4, ]

T

-120 ! g :

-125} v .

_1 30 L 1 1 1 1 1 1 1 1
0 50 100 150 200 250 300 350 400 450 500
Time in Milliseconds

FIGURE 12.1 Example of diversity combining. Two independently fading signals 1 and 2. The signal 3 is the result
of selecting the strongest signal.

If antennas are used in transmit, they can be exploited for diversity. If the transmit
channel is known, the antennas can be driven with complex conjugate channel weighting to
co-phase the signals at the receive antenna. If the forward channel is not known, we have
several methods to convert space selective fading at the transmit antennas to other forms
of diversity exploitable in the receiver.

Exploiting diversity needs careful design of the communication link. In explicit diversity,
multiple copies of the same signal are transmitted in channels using either a frequency,
time, or polarization dimension. At the receiver end we need arrangements to receive
the different diversity branches (this is true for both explicit and implicit diversity). The
different diversity branches are then combined to reduce signal outage probability or bit
error rate.

In practice, the signals in the diversity branches may not show completely independent
fading. The envelope cross correlation p between these signals is a measure of their inde-
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pendence.

. Eflry — 7] [rs — 7]
VEIr -7 Elrs - fof

where r; and 79 represent the instantaneous envelope levels of the normalized signals at
the two receivers and 7/ and 75 are their respective means. It has been shown that a
cross correlation of 0.7 [3] between signal envelopes is sufficient to provide a reasonable
degree of diversity gain. Depending on the type of diversity employed, these diversity
channels must be sufficiently separated along the appropriate diversity dimension. For
spatial diversity, the antennas should be separated by more than the coherence distance to
ensure a cross correlation of less than 0.7. Likewise in frequency diversity, the frequency
separation must be larger than the coherence bandwidth, and in time diversity the separation
between channel reuse in time should be longer than the coherence time. These coherence
factors in turn depend on the channel characteristics. The coherence distance, coherence
bandwidth and coherence time vary inversely as the angle spread, delay spread, and Doppler
spread, respectively.

If the receiver has a number of diversity branches, it has to combine these branches to
maximize the signal level. Several techniques have been studied for diversity combining.
We will describe three main techniques: selection combining, equal gain combining, and
maximal ratio combining.

Finally, we should note that diversity is primarily used to combat fading and if the signal
does not show significant fading in the first place, for example when there is a direct path
component, diversity combining may not provide significant diversity gain. In the case of
antenna diversity, array gain proportional to the number of antennas will still be available.

12.2 Diversity Schemes

There are several techniques for obtaining diversity branches, sometimes also known as
diversity dimensions. The most important of these are discussed in the following sections.

12.2.1 Space Diversity

This has historically been the most common form of diversity in mobile radio base stations.
It is easy to implement and does not require additional frequency spectrum resources.
Space diversity is exploited on the reverse link at the base station receiver by spacing
antennas apart so as to obtain sufficient decorrelation. The key for obtaining minimum
uncorrelated fading of antenna outputs is adequate spacing of the antennas. The required
spacing depends on the degree of multipath angle spread. For example if the multipath
signals arrive from all directions in the azimuth, as is usually the case at the mobile, antenna
spacing (coherence distance) of the order of 0.5X to 0.8X is quite adequate [5]. On the other
hand if the multipath angle spread is small, as in the case of base stations, the coherence
distance is much larger. Also empirical measurements show a strong coupling between
antenna height and spatial correlation. Larger antenna heights imply larger coherence
distances. Typically 10\ to 20X\ separation is adequate to achieve p = 0.7 at base stations
in suburban settings when the signals arrive from the broadside direction. The coherence
distance can be 3 to 4 times larger for endfire arrivals. The endfire problem is averted in
base stations with trisectored antennas as each sector needs to handle only signals arriving
+60° off the broadside. The coherence distance depends strongly on the terrain. Large
multipath angle spread means smaller coherence distance. Base stations normally use space
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diversity in the horizontal plane only. Separation in the vertical plane can also be used, and
the necessary spacing depends upon vertical multipath angle spread. This can be small for
distant mobiles making vertical plane diversity less attractive in most applications.

Space diversity is also exploitable at the transmitter. If the forward channel is known,
it works much like receive space diversity. If it is not known, then space diversity can be
transformed to another form of diversity exploitable at the receiver. (See Section 12.2.7
below).

If antennas are used at transmit and receive, the M transmit and N receive antennas both
contribute to diversity. It can be shown that if simple weighting is used without additional
bandwidth or time/memory processing, then maximum diversity gain is obtained if the
transmitter and receiver use the left and right singular vectors of the M x N channel
matrix, respectively. However, to approach the maximum M x N order diversity order will
require the use of additional bandwidth or time/memory-based methods.

12.2.2 Polarization Diversity

In mobile radio environments, signals transmitted on orthogonal polarizations exhibit low
fade correlation, and therefore, offer potential for diversity combining. Polarization diversity
can be obtained either by explicit or implicit techniques. Note that with polarization only
two diversity branches are available as against space diversity where several branches can be
obtained using multiple antennas. In explicit polarization diversity, the signal is transmitted
and received in two orthogonal polarizations. For a fixed total transmit power, the power in
each branch will be 3 dB lower than if single polarization is used. In the implicit polarization
technique, the signal is launched in a single polarization, but is received with cross-polarized
antennas. The propagation medium couples some energy into the cross-polarization plane.
The observed cross-polarization coupling factor lies between 8 to 12 dB in mobile radio [8, 1].
The cross-polarization envelope decorrelation has been found to be adequate. However, the
large branch imbalance reduces the available diversity gain.

With hand-held phones, the handset can be held at random orientations during a call.
This results in energy being launched with varying polarization angles ranging from vertical
to horizontal. This further increases the advantage of cross-polarized antennas at the base
station since the two antennas can be combined to match the received signal polarization.
This makes polarization diversity even more attractive. Recent work [4] has shown that
with variable launch polarization, a cross-polarized antenna can give comparable overall
(matching plus diversity) performance to a vertically polarized space diversity antenna.

Finally, we should note that cross-polarized antennas can be deployed in a compact an-
tenna assembly and do not need large physical separation needed in space diversity antennas.
This is an important advantage in the PCS base stations where low profile antennas are
needed.

12.2.3 Angle Diversity

In situations where the angle spread is very high, such as indoors or at the mobile unit
in urban locations, signals collected from multiple nonoverlapping beams offer low fade
correlation with balanced power in the diversity branches. Clearly, since directional beams
imply use of antenna aperture, angle diversity is closely related to space diversity. Angle
diversity has been utilized in indoor wireless LANs, where its use allows substantial increase
in LAN throughputs [2].
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12.2.4 Frequency Diversity

Another technique to obtain decorrelated diversity branches is to transmit the same signal
over different frequencies. The frequency separation between carriers should be larger than
the coherence bandwidth. The coherence bandwidth, of course, depends on the multipath
delay spread of the channel. The larger the delay spread, the smaller the coherence band-
width and the more closely we can space the frequency diversity channels. Clearly, frequency
diversity is an explicit diversity technique and needs additional frequency spectrum.

A common form of frequency diversity is multicarrier (also known as multitone) mod-
ulation. This technique involves sending redundant data over a number of closely spaced
carriers to benefit from frequency diversity, which is then exploited by applying inter-
leaving and channel coding/forward error correction across the carriers. Another
technique is to use frequency hopping wherein the interleaved and channel coded data
stream is transmitted with widely separated frequencies from burst to burst. The wide
frequency separation is chosen to guarantee independent fading from burst to burst.

12.2.5 Path Diversity

This implicit diversity is available if the signal bandwidth is much larger than the channel
coherence bandwidth. The basis for this method is that when the multipath arrivals can
be resolved in the receiver and since the paths fade independently, diversity gain can be
obtained. In CDMA systems, the multipath arrivals must be separated by more than
one chip period and the RAKE receiver provides the diversity [9]. In TDMA systems,
the multipath arrivals must be separated by more than one symbol period and the MLSE
receiver provides the diversity.

12.2.6 Time Diversity

In mobile communications channels, the mobile motion together with scattering in the vicin-
ity of the mobile causes time selective fading of the signal with Rayleigh fading statistics for
the signal envelope. Signal fade levels separated by the coherence time show low correlation
and can be used as diversity branches if the same signal can be transmitted at multiple in-
stants separated by the coherence time. The coherence time depends on the Doppler spread
of the signal, which in turn is a function of the mobile speed and the carrier frequency.

Time diversity is usually exploited via interleaving, forward-error correction (FEC) cod-
ing, and automatic request for repeat (ARQ). These are sophisticated techniques to
exploit channel coding and time diversity. One fundamental drawback with time diversity
approaches is the delay needed to collect the repeated or interleaved transmissions. If the
coherence time is large, as for example when the vehicle is slow moving, the required delay
becomes too large to be acceptable for interactive voice conversation.

The statistical properties of fading signals depend on the field component used by the
antenna, the vehicular speed, and the carrier frequency. For an idealized case of a mobile
surrounded by scatterers in all directions, the autocorrelation function of the received signal
z(t) (note this is not the envelope r(t)) can be shown to be

Ez(t)z(t + 7)] = Jo (2mTv/X)

where Jy is a Bessel function of the Oth order and v is the mobile velocity.
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12.2.7 Transformed Diversity

In transformed diversity, the space diversity branches at the transmitter are transformed
into other forms of diversity branches exploitable at the receiver. This is used when the
forward channel is not known and shifts the responsibility of diversity combining to the
receiver which has the necessary channel knowledge.

Space to Frequency

o Antenna-delay. Here the signal is transmitted from two or more antennas with
delays of the order of a chip or symbol period in CDMA or TDMA, respectively.
The different transmissions simulate resolved path arrivals that can be used as
diversity branches by the RAKE or MLSE equalizer.

o Multicarrier modulation. The data stream after interleaving and coding is mod-
ulated as a multicarrier output using an inverse DFT. The carriers are then
mapped to the different antennas. The space selective fading at the antennas is
now transformed to frequency selective fading and diversity is obtained during
decoding.

Space to Time

o Antenna hopping/phase rolling. In this method the data stream after coding and
interleaving is switched randomly from antenna to antenna. The space selective
fading at the transmitter is converted into a time selective fading at the receiver.
This is a form of “active” fading.

e Space-time coding. The approach in space-time coding is to split the encoded
data into multiple data streams each of which is modulated and simultaneously
transmitted from different antennas. The received signal is a superposition of
the multiple transmitted signals. Channel decoding can be used to recover the
data sequence. Since the encoded data arrive over uncorrelated fade branches,
diversity gain can be realized.

12.3 Diversity Combining Techniques

Several diversity combining methods are known. We describe three main techniques: selec-
tion, maximal ratio, and equal gain. They can be used with each of the diversity schemes
discussed above.

12.3.1 Selection Combining

This is the simplest and perhaps the most frequently used form of diversity combining.
In this technique, one of the two diversity branches with the highest carrier-to-noise ratio
(C/N) is connected to the output. See Fig. 12.2(a).

The performance improvement due to selection diversity can be seen as follows. Let the
signal in each branch exhibit Rayleigh fading with mean power ¢2. The density function of
the envelope is given by

r; T
p(r;) = ;e# (12.1)
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Y_/

(a)

Estimate Estimate
Weights and Phase Phase
(B (B T =
Weight I :
]

© (b
FIGURE 12.2 Diversity combining methods for two diversity branches.

where 7; is the signal envelope in each branch. If we define two new variables

Instantaneous signal power in each branch

Yi = -
Mean noise power

r — Mean signal power in each branch

Mean noise power

then the probability that the C/N is less than or equal to some specified value s is
Prob[vi < vs]=1— e~ 1s/T (12.2)

The probability that +; in all branches with independent fading will be simultaneously
less than or equal to s is then

M
Prob [y1, 72, .. Ym < s) = (1 — e/ ) (12.3)

This is the distribution of the best signal envelope from the two diversity branches.
Figure 12.3 shows the distribution of the combiner output C/N for M = 1,2,3, and 4
branches. The improvement in signal quality is significant. For example at 99% reliability
level, the improvement in C/N is 10 dB for two branches and 16 dB for four branches.

Selection combining also increases the mean C/N of the combiner output and can be
shown to be [3]

M1
Mean (y;) =T Z Z (12.4)
k=1

This indicates that with 4 branches, for example, the mean C/N of the selected branch
is 2.08 better than the mean C/N in any one branch.
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FIGURE 12.3  Probability distribution of signal envelope for selection combining.

12.3.2 Maximal Ratio Combining

In this technique the M diversity branches are first co-phased and then weighted propor-
tionally to their signal level before summing. See Fig. 12.2(b). The distribution of the
maximal ratio combiner has been shown to be [5]

o~ (/D)
Prob [’7 < 'Ym] =1—el=m/D) Z '(%_1—)' (12.5)
k=1 '

The distribution of output of a maximal ratio combiner is shown in Fig. 12.4. Maximal
ratio combining is known to be optimal in the sense that it yields the best statistical reduc-
tion of fading of any linear diversity combiner. In comparison to the selection combiner, at
99% reliability level, the maximal ratio combiner provides a 11.5 dB gain for two branches
and a 19 dB gain for four branches, an improvement of 1.5 and 3 dB, respectively, over the
selection diversity combiner.

The mean C/N of the combined signal may be easily shown to be

Mean (y,) = MT (12.6)

Therefore, combiner output mean varies linearly with M. This confirms the intuitive
result that the output C/N averaged over fades should provide gain proportional to the
number of diversity branches. This is a situation similar to conventional beamforming.

12.3.3 Equal Gain Combining

In some applications, it may be difficult to estimate the amplitude accurately, the combining

gains may all be set to unity, and the diversity branches merely summed after co-phasing.
[See Fig. 12.2(c)].
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FIGURE 12.4 Probability distribution for signal envelope for maximal ratio combining.

The distribution of equal gain combiner does not have a neat expression and has been
computed by numerical evaluation. Its performance has been shown to be very close to
within a decibel to maximal ratio combining. The mean C/N can be shown to be [3]

Mean (y.) =T [1 + %(M - 1)] (12.7)

Like maximal ratio combining, the mean C/N for equal gain combining grows almost
linearly with M and is approximately only one decibel poorer than maximal ratio combiner
even with an infinite number of branches.

12.3.4 Loss of Diversity Gain Due to Branch Correlation and Unequal Branch
Powers

The above analysis assumed that the fading signals in the diversity branches were all un-
correlated and of equal power. In practice, this may be difficult to achieve and as we saw
earlier, the branch cross-correlation coefficient p = 0.7 is considered to be acceptable. Also,
equal mean powers in diversity branches are rarely available. In such cases we can expect
a certain loss of diversity gain. However, since most of the damage in fading is due to deep
fades, and also since the chance of coincidental deep fades is small even for moderate branch
correlation, one can expect a reasonable tolerance to branch correlation.

The distribution of the output signal envelope of maximal ratio combiner has been shown
to be [6]:

M
Prob [’Ym = Z AT —Ym/[2Xn (12.8)
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where A,, are the eigenvalues of the M x M branch envelope covariance matrix whose
elements are defined by

Rij =F [T‘i'l‘;] (12.9)
and A,, is defined by
M 1
_ s 2.1
A= 1 =5, (12.10)
k=1
k#n

12.4 Effect of Diversity Combining on Bit Error Rate

So far we have studied the distribution of the instantaneous envelope or C/N after diversity
combining. We will now briefly survey how diversity combining affects BER performance
in digital radio links; we assume maximal ratio combining.

To begin let us first examine the effect of Rayleigh fading on the BER performance of
digital transmission links. This has been studied by several authors and is summarized
in [7]. Table 12.1 gives the BER expressions in the large E,/Ny case for coherent binary
PSK and coherent binary orthogonal FSK for unfaded and Rayleigh faded AWGN (additive
white Gaussian noise channels) channels. £}, /Ny represents the average /Ny for the fading
channel.

TABLE 12.1 Comparison of BER Performance for
Unfaded and Rayleigh Faded Signals

Modulaton Unfaded BER Faded BER
Coh BPSK  lerfc (1 / By /Ng) 1
2 4(E_b/No
Coh FSK  ZLerfc (, /31E, /ND) —1
2 (Eb/No)

Observe that error rates decrease only inversely with SNR as against exponential decreases
for the unfaded channel. Also note that for fading channels, coherent binary PSK is 3 dB
better than coherent binary FSK, exactly the same advantage as in unfaded case. Even for
modest target BER of 1072 that is usually needed in mobile communications, the loss due
to fading can be very high—17.2 dB.

To obtain the BER with maximal ratio diversity combining we have to average the BER
expression for the unfaded BER with the distribution obtained for the maximal ratio com-
biner given in (12.5). Analytical expressions have been derived for these in [7]. For a
branch SNR greater than 10 dB, the BER after maximal ratio diversity combining is given
in Table 12.2.

We observe that the probability of error varies as 1/E,/Ny raised to the Lth power.
Thus, diversity reduces the error rate exponentially as the number of independent branches
increases.
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TABLE 12.2 BER Performance for Coherent
BPSK and FSK with Diversity

Modulaton Post Diversity BER

L
Coherent BPSK ( 1 ) ( 201 )
4 Ey/Nyg

L
Coherent FSK ( _1 ) ( 2LL_1 )
2Ey/Ng

12.5 Concluding Remarks

Diversity provides a powerful technique for combating fading in mobile communication sys-
tems. Diversity techniques seek to generate and exploit multiple branches over which the
signal shows low fade correlation. To obtain the best diversity performance, the multiple
access, modulation, coding and antenna design of the wireless link must all be carefully
chosen so as to provide a rich and reliable level of well-balanced, low-correlation diversity
branches in the target propagation environment. Successful diversity exploitation can im-
pact a mobile network in several ways. Reduced power requirements can result in increased
coverage or improved battery life. Low signal outage improves voice quality and handoff
performance. Finally, reduced fade margins directly translate to better reuse factors and,
hence, increased system capacity.

Defining Terms

Automatic request for repeat: An error control mechanism in which received
packets that cannot be corrected are retransmitted.

Channel coding/Forward error correction: A technique that inserts redundant
bits during transmission to help detect and correct bit errors during reception.

Fading: Fluctuation in the signal level due to shadowing and multipath effects.

Frequency hopping: A technique where the signal bursts are transmitted at different
frequencies separated by random spacing that are multiples of signal bandwidth.

Interleaving: A form of data scrambling that spreads burst of bit errors evenly over
the received data allowing efficient forward error correction.

Outage probability: The probability that the signal level falls below a specified min-
imum level.

PCS: Personal Communications Services.

RAKE receiver: A receiver used in direct sequence spread spectrum signals. The re-
ceiver extracts energy in each path and then adds them together with appropriate
weighting and delay.
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In this section we examine some fundamental tradeoffs among bandwidth, power, and error
performance of digital communication systems. The criteria for choosing modulation and
coding schemes, based on whether a system is bandwidth limited or power limited, are
reviewed for several system examples. Emphasis is placed on the subtle but straightforward
relationships we encounter when transforming from data-bits to channel-bits to symbols to

chips.
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The design or definition of any digital communication system begins with a description
of the communication link. The link is the name given to the communication transmission
path from the modulator and transmitter, through the channel, and up to and including
the receiver and demodulator. The channel is the name given to the propagating medium
between the transmitter and receiver. A link description quantifies the average signal power
that is received, the available bandwidth, the noise statistics, and other impairments, such
as fading. Also needed to define the system are basic requirements, such as the data rate
to be supported and the error performance.

13.1.1 The Channel

For radio communications, the concept of free space assumes a channel region free of all
objects that might affect radio frequency (RF) propagation by absorption, reflection, or
refraction. It further assumes that the atmosphere in the channel is perfectly uniform
and nonabsorbing, and that the earth is infinitely far away or its reflection coefficient is
negligible. The RF energy arriving at the receiver is assumed to be a function of distance
from the transmitter (simply following the inverse-square law of optics). In practice, of
course, propagation in the atmosphere and near the ground results in refraction, reflection,
and absorption, which modify the free space transmission.

13.1.2 The Link

A radio transmitter is characterized by its average output signal power P, and the gain of
its transmitting antenna G;. The name given to the product P.G,, with reference to an
isotropic antenna is effective radiated power (EIRP) in watts (or dBW). The predetection
average signal power S arriving at the output of the receiver antenna can be described as
a function of the EIRP, the gain of the receiving antenna G, the path loss (or space loss)
Ls, and other losses, L,, as follows [14, 15]:

EIRP G,
S = ——LSLO (13.1)

The path loss L, can be written as follows [15]:

2
L= (fb;_d) (13.2)

where d is the distance between the transmitter and receiver and X is the wavelength.

We restrict our discussion to those links distorted by the mechanism of additive white
Gaussian noise (AWGN) only. Such a noise assumption is a very useful model for a large
class of communication systems. A valid approximation for average received noise power N
that this model introduces is written as follows [5, 9]:

N = ET°W (13.3)

where k is Boltzmann’s constant (1.38 x 1072 joule/K), T° is effective temperature in
kelvin, and W is bandwidth in hertz. Dividing Eq. (13.3) by bandwidth, enables us to write
the received noise-power spectral density Ny as follows:

Ny = = kT° (13.4)

s|=
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13.2. BANDWIDTH AND POWER CONSIDERATIONS 13-3

Dividing Eq. (13.1) by Ny yields the received average signal-power to noise-power spectral
density S/Ny as
S EIRPG,/T°
No  kLsL,
where G, /T° is often referred to as the receiver figure of merit. A link budget analysis is a
compilation of the power gains and losses throughout the link; it is generally computed in
decibels, and thus takes on the bookkeeping appearance of a business enterprise, highlighting
the assets and liabilities of the link. Once the value of S/Nj is specified or calculated from
the link parameters, we then shift our attention to optimizing the choice of signalling types
for meeting system bandwidth and error performance requirements.
Given the received S/Ny, we can write the received bit-energy to noise-power spectral
density Ej,/Ny, for any desired data rate R, as follows:

B, ST, 8 (1

Equation (13.6) follows from the basic definitions that received bit energy is equal to re-
ceived average signal power times the bit duration and that bit rate is the reciprocal of bit
duration. Received E, /Ny is a key parameter in defining a digital communication system.
Tts value indicates the apportionment of the received waveform energy among the bits that
the waveform represents. At first glance, one might think that a system specification should
entail the symbol-energy to noise-power spectral density Es/Np associated with the arriving
waveforms. We will show, however, that for a given S/Ny the value of E,;/Nj is a function
of the modulation and coding. The reason for defining systems in terms of Fj/Ny stems
from the fact that E,/No depends only on S/Ny and R and is unaffected by any system
design choices, such as modulation and coding.

(13.5)

13.2 Bandwidth and Power Considerations

Two primary communications resources are the received power and the available transmis-
sion bandwidth. In many communication systems, one of these resources may be more
precious than the other and, hence, most systems can be classified as either bandwidth
limited or power limited. In bandwidth-limited systems, spectrally efficient modulation
techniques can be used to save bandwidth at the expense of power; in power-limited sys-
tems, power efficient modulation techniques can be used to save power at the expense of
bandwidth. In both bandwidth- and power-limited systems, error-correction coding (often
called channel coding) can be used to save power or to improve error performance at the
expense of bandwidth. Recently, trellis-coded modulation (T'CM) schemes have been used
to improve the error performance of bandwidth-limited channels without any increase in
bandwidth [17], but these methods are beyond the scope of this chapter.

13.2.1 The Bandwidth Efficiency Plane

Figure 13.1 shows the abscissa as the ratio of bit-energy to noise-power spectral density
E, /Ny (in decibels) and the ordinate as the ratio of throughput, R (in bits per second), that
can be transmitted per hertz in a given bandwidth W. The ratio R/W is called bandwidth
efficiency, since it reflects how efficiently the bandwidth resource is utilized. The plot stems
from the Shannon—Hartley capacity theorem [12, 13, 15], which can be stated as

S
C = Wlog, (1 + N) (13.7)
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13-4 CHAPTER 13. DIGITAL COMMUNICATION SYSTEM PERFORMANCE

where S/N is the ratio of received average signal power to noise power. When the logarithm
is taken to the base 2, the capacity C, is given in bits per second. The capacity of a channel
defines the maximum number of bits that can be reliably sent per second over the channel.
For the case where the data (information) rate R is equal to C, the curve separates a region of
practical communication systems from a region where such communication systems cannot
operate reliably [12, 15].
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FIGURE 13.1 Bandwidth-efficiency plane.

13.2.2 M-ary Signalling

Each symbol in an M-ary alphabet can be related to a unique sequence of m bits, expressed
as

M=2" or m = log, M (13.8)

where M is the size of the alphabet. In the case of digital transmission, the term symbol
refers to the member of the M-ary alphabet that is transmitted during each symbol duration
T,. To transmit the symbol, it must be mapped onto an electrical voltage or current
waveform. Because the waveform represents the symbol, the terms symbol and waveform
are sometimes used interchangeably. Since one of M symbols or waveforms is transmitted
during each symbol duration T, the data rate R in bits per second can be expressed as

R=E:10g2M

13.9
T, T, (13.9)

Data-bit-time duration is the reciprocal of data rate. Similarly, symbol-time duration is
the reciprocal of symbol rate. Therefore, from Eq. (13.9), we write that the effective time
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13.2. BANDWIDTH AND POWER CONSIDERATIONS 13-5

duration T} of each bit in terms of the symbol duration T or the symbol rate R is

1 Ts 1
T == — =
"R m mR

(13.10)

Then, using Eqs. (13.8) and (13.10) we can express the symbol rate R in terms of the bit

rate R as follows:
R

s log, M

(13.11)

From Egs. (13.9) and (13.10), any digital scheme that transmits m = log, M bits in T
seconds, using a bandwidth of W hertz, operates at a bandwidth efficiency of

R logy M 1

W WT, WT

(b/s)/Hz (13.12)

where Tj, is the effective time duration of each data bit.

13.2.3 Bandwidth-Limited Systems

From Eq. (13.12), the smaller the WT}, product, the more bandwidth efficient will be any
digital communication system. Thus, signals with small WT, products are often used with
bandwidth-limited systems. For example, the European digital mobile telephone system
known as Global System for Mobile Communications (GSM) uses Gaussian minimum shift
keying (GMSK) modulation having a WT} product equal to 0.3 Hz/(b/s), where W is the
3-dB bandwidth of a Gaussian filter [4].

For uncoded bandwidth-limited systems, the objective is to maximize the transmitted
information rate within the allowable bandwidth, at the expense of Ep/Ny (while maintain-
ing a specified value of bit-error probability Pg). The operating points for coherent M-ary
phase-shift keying (MPSK) at Pg = 10" are plotted on the bandwidth-efficiency plane
of Fig. 13.1. We assume Nyquist (ideal rectangular) filtering at baseband [10]. Thus, for
MPSK, the required double-sideband (DSB) bandwidth at an intermediate frequency (IF)
is related to the symbol rate as follows:

W=_—=R, (13.13)

1
T,
where T is the symbol duration and Rs is the symbol rate. The use of Nyquist filter-
ing results in the minimum required transmission bandwidth that yields zero intersymbol
interference; such ideal filtering gives rise to the name Nyquist minimum bandwidth.

From Egs. (13.12) and (13.13), the bandwidth efficiency of MPSK modulated signals
using Nyquist filtering can be expressed as

R/W =logy M (b/s)/Hz (13.14)

The MPSK points in Fig. 13.1 confirm the relationship shown in Eq. (13.14). Note that
MPSK modulation is a bandwidth-efficient scheme. As M increases in value, R/W also
increases. MPSK modulation can be used for realizing an improvement in bandwidth effi-
ciency at the cost of increased Fj/Ny. Although beyond the scope of this chapter, many
highly bandwidth-efficient modulation schemes are under investigation [1].
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13-6 CHAPTER 13. DIGITAL COMMUNICATION SYSTEM PERFORMANCE

13.2.4 Power-Limited Systems

Operating points for noncoherent orthogonal M-ary FSK (MFSK) modulation at Pg = 10~°
are also plotted on Fig. 13.1. For MFSK, the IF minimum bandwidth is as follows [15]

W= M = MR, (13.15)
T

where T is the symbol duration and R, is the symbol rate. With MFSK, the required
transmission bandwidth is expanded M-fold over binary FSK since there are M differ-
ent orthogonal waveforms, each requiring a bandwidth of 1/7,. Thus, from Eqgs. (13.12)
and (13.15), the bandwidth efficiency of noncoherent orthogonal MFSK signals can be ex-
pressed as

% - log;lM (b/s)/Hz (13.16)

The MFSK points plotted in Fig. 13.1 confirm the relationship shown in Eq. (13.16). Note
that MFSK modulation is a bandwidth-expansive scheme. As M increases, R/W decreases.
MFSK modulation can be used for realizing a reduction in required Ej, /Ny at the cost of
increased bandwidth.

In Egs. (13.13) and (13.14) for MPSK, and Egs. (13.15) and (13.16) for MFSK, and for
all the points plotted in Fig. 13.1, ideal filtering has been assumed. Such filters are not
realizable! For realistic channels and waveforms, the required transmission bandwidth must
be increased in order to account for realizable filters.

In the examples that follow, we will consider radio channels that are disturbed only by
additive white Gaussian noise (AWGN) and have no other impairments, and for simplic-
ity, we will limit the modulation choice to constant-envelope types, i.e., either MPSK or
noncoherent orthogonal MFSK. For an uncoded system, MPSK is selected if the chan-
nel is bandwidth limited, and MFSK is selected if the channel is power limited. When
error-correction coding is considered, modulation selection is not as simple, because coding
techniques can provide power-bandwidth tradeoffs more effectively than would be possible
through the use of any M-ary modulation scheme considered in this chapter [3].

In the most general sense, M-ary signalling can be regarded as a waveform-coding proce-
dure, i.e., when we select an M-ary modulation technique instead of a binary one, we in effect
have replaced the binary waveforms with better waveforms—either better for bandwidth
performance (MPSK) or better for power performance (MFSK). Even though orthogonal
MFSK signalling can be thought of as being a coded system, i.e., a first-order Reed-Muller
code [8], we restrict our use of the term coded system to those traditional error-correction
codes using redundancies, e.g., block codes or convolutional codes.

13.2.5 Minimum Bandwidth Requirements for MPSK and
MFSK Signalling

The basic relationship between the symbol (or waveform) transmission rate Rs and the
data rate R was shown in Eq. (13.11). Using this relationship together with Egs. (13.13-
13.16) and R = 9600 b/s, a summary of symbol rate, minimum bandwidth, and bandwidth
efficiency for MPSK and noncoherent orthogonal MFSK was compiled for M = 2,4,8,16,
and 32 (Table 13.1). Values of E}/Ny required to achieve a bit-error probability of 10~ for
MPSK and MFSK are also given for each value of M. These entries (which were computed
using relationships that are presented later in this chapter) corroborate the tradeoffs shown
in Fig. 13.1. As M increases, MPSK signalling provides more bandwidth efficiency at the
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13.3. EXAMPLE 1: BANDWIDTH-LIMITED UNCODED SYSTEM 13-7

cost of increased Ej/Ng, whereas MFSK signalling allows for a reduction in Ey/Np at the
cost of increased bandwidth.

TABLE 13.1 Symbol Rate, Minimum Bandwidth, Bandwidth Efficiency, and Required £, /Ny for MPSK and Noncoherent
Orthogonal MFSK Signalling at 9600 bit/s

MPSK MPSK Noncoherent MFSK
R R, Minimum MPSK  E,/Np (dB)  Orthog MFSK MFSK  E,/Np (dB)
M m (b/s) (symb/s) Bandwidth (Hz) R/W Pg =105 Min Bandwidth (Hz) R/W Pp = 1073
2 1 9600 9600 9600 1 9.6 19,200 1/2 13.4
4 2 9600 4800 4800 2 9.6 19,200 1/2 10.6
8 3 9600 3200 3200 3 13.0 25,600 3/8 9.1
16 4 9600 2400 2400 4 17.5 38,400 1/4 8.1
32 5 9600 1920 1920 5 22.4 61,440 5/32 7.4

13.3 Example 1: Bandwidth-Limited Uncoded System

Suppose we are given a bandwidth-limited AWGN radio channel with an available band-
width of W = 4000 Hz. Also, suppose that the link constraints (transmitter power, antenna
gains, path loss, etc.) result in the ratio of received average signal-power to noise-power
spectral density /Ny being equal to 53 dB-Hz. Let the required data rate R be equal to 9600
b/s, and let the required bit-error performance Pp be at most 1075, The goal is to choose
a modulation scheme that meets the required performance. In general, an error-correction
coding scheme may be needed if none of the allowable modulation schemes can meet the
requirements. In this example, however, we shall find that the use of error-correction coding
is not necessary.

13.3.1 Solution to Example 1

For any digital communication system, the relationship between received S/Ny and received
bit-energy to noise-power spectral density, Ep/No was given in Eq. (13.6) and is briefly
rewritten as

S E
FO — Fo (13.17)
Solving for Ey/Np in decibels, we obtain
E, S
— (dB) = — (dB-Hz)— _
Ny (dB) Ny (dB-Hz) — R (dB-b/s)
— 53 dB-Hz — (10 x log,,9600) dB-b/s
13.2 dB (or 20.89) (13.18)

Since the required data rate of 9600 b/s is much larger than the available bandwidth of
4000 Hz, the channel is bandwidth limited. We therefore select MPSK as our modulation
scheme. We have confined the possible modulation choices to be constant-envelope types;
without such a restriction, we would be able to select a modulation type with greater
bandwidth efficiency. To conserve power, we compute the smallest possible value of M such
that the MPSK minimum bandwidth does not exceed the available bandwidth of 4000 Hz.
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13-8 CHAPTER 13. DIGITAL COMMUNICATION SYSTEM PERFORMANCE

Table 13.1 shows that the smallest value of M meeting this requirement is M = 8. Next we
determine whether the required bit-error performance of Pg < 1075 can be met by using
8-PSK modulation alone or whether it is necessary to use an error-correction coding scheme.
Table 13.1 shows that 8-PSK alone will meet the requirements, since the required Ej/Ny
listed for 8-PSK is less than the received Ej/Ng derived in Eq. (13.18). Let us imagine that
we do not have Table 13.1, however, and evaluate whether or not error-correction coding is
necessary.

Figure 13.2 shows the basic modulator/demodulator (MODEM) block diagram summa-
rizing the functional details of this design. At the modulator, the transformation from data
bits to symbols yields an output symbol rate R, that is, a factor log, M smaller than the
input data-bit rate R, as is seen in Eq. (13.11). Similarly, at the input to the demodulator,
the symbol-energy to noise-power spectral density Eg/Ny is a factor log, M larger than
Ey /Ny, since each symbol is made up of log, M bits. Because Eg/Nj is larger than Ej /No
by the same factor that R, is smaller than R, we can expand Eq. (13.17), as follows:

S Ey E;

N = FOR = FORS (13.19)
The demodulator receives a waveform (in this example, one of M = 8 possible phase shifts)
during each time interval T,. The probability that the demodulator makes a symbol error
P (M) is well approximated by the following equation for M > 2 [6]:

Pg(M) =2Q [, / 2}\% sin (—]C—[)] (13.20)

where Q(x), sometimes called the complementary error function, represents the probability
under the tail of a zero-mean unit-variance Gaussian density function. It is defined as

follows [18]:
o} 2
Qz) = \/%—w/ exp <_u7) du (13.21)

A good approximation for Q(z), valid for z > 3, is given by the following equation [2]

Qz) = ! exp (—m—2) (13.22)

In Fig. 13.2 and all of the figures that follow, rather than show explicit probability relation-
ships, the generalized notation f(z) has been used to indicate some functional dependence
on x.

A traditional way of characterizing communication efficiency in digital systems is in terms
of the received Ey/Ny in decibels. This E,/Ny description has become standard practice,
but recall that there are no bits at the input to the demodulator; there are only waveforms
that have been assigned bit meanings. The received Ej/Ny represents a bit-apportionment
of the arriving waveform energy.

To solve for Pg(M) in Eq. (13.20), we first need to compute the ratio of received symbol-
energy to noise-power spectral density E;/Ny. Since from Eq. (13.18)

Ey

Ne = 13:2 dB (or 20.89)

and because each symbol is made up of log, M bits, we compute the following using M = 8.

E, E
~ = (logy M) Fb =3 x 20.89 = 62.67 (13.23)
0 0
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FIGURE 13.2  Basic modulator/demodulator (MODEM) without channel coding.

Using the results of Eq. (13.23) in Eq. (13.20), yields the symbol-error probability Pr =
2.2 x 107, To transform this to bit-error probability, we use the relationship between bit-
error probability Pg and symbol-error probability Pg, for multiple-phase signalling [8] for
Pr < 1 as follows:

Pg, Pg

Py =E 13.24
B logo M m ( )

which is a good approximation when Gray coding is used for the bit-to-symbol assign-
ment [6]. This last computation yields Pg = 7.3 x 10~¢, which meets the required bit-error
performance. No error-correction coding is necessary, and 8-PSK modulation represents
the design choice to meet the requirements of the bandwidth-limited channel, which we had
predicted by examining the required Fj/Ng values in Table 13.1.

13.4 Example 2: Power-Limited Uncoded System

Now, suppose that we have exactly the same data rate and bit-error probability requirements
as in Example 1, but let the available bandwidth W be equal to 45 kHz, and the available
S/Ng be equal to 48 dB-Hz. The goal is to choose a modulation or modulation/coding
scheme that yields the required performance. We shall again find that error-correction
coding is not required.

13.4.1 Solution to Example 2

The channel is clearly not bandwidth limited since the available bandwidth of 45 kHz is
more than adequate for supporting the required data rate of 9600 bit/s. We find the received
E, /Ny from Eq. (13.18), as follows:

% (dB) = 48 dB-Hz — (10 x log;, 9600) dB-b/s = 8.2 dB (or 6.61) (13.25)

0

217



13-10 CHAPTER 13. DIGITAL COMMUNICATION SYSTEM PERFORMANCE

Since there is abundant bandwidth but a relatively small Ej,/Ny for the required bit-error
probability, we consider that this channel is power limited and choose MFSK as the modu-
lation scheme. To conserve power, we search for the largest possible M such that the MFSK
minimum bandwidth is not expanded beyond our available bandwidth of 45 kHz. A search
results in the choice of M = 16 (Table 13.1). Next, we determine whether the required error
performance of Pg < 107° can be met by using 16-FSK alone, i.e., without error-correction
coding. Table 13.1 shows that 16-FSK alone meets the requirements, since the required
Ey /Ny listed for 16-FSK is less than the received Ey/Ny derived in Eq. (13.25). Let us
imagine again that we do not have Table 13.1, and evaluate whether or not error-correction
coding is necessary.

The block diagram in Fig. 13.2 summarizes the relationships between symbol rate R,
and bit rate R, and between E;/Ny and Ej /Ny, which is identical to each of the respective
relationships in Example 1. The 16-FSK demodulator receives a waveform (one of 16 pos-
sible frequencies) during each symbol time interval Ts. For noncoherent orthogonal MFSK,
the probability that the demodulator makes a symbol error Pg(M) is approximated by the
following upper bound [20]:

M—-1 JOR
< — .
Pp(M) < 5 exp( ZNQ) (13.26)

To solve for Pg(M) in Eq. (13.26), we compute Eg/Ny, as in Example 1. Using the results
of Eq. (13.25) in Eq. (13.23), with M = 16, we get

E; Ey
- — — =4 61 = 26. 13.27
Ny (log, M) No X 6 6.44 ( )

Next, using the results of Eq. (13.27) in Eq. (13.26), yields the symbol-error probability
Pg = 1.4 x 107, To transform this to bit-error probability, P, we use the relationship
between Pp and Pg for orthogonal signalling [20], given by

2m—1

P

Pg (13.28)

This last computation yields Pp = 7.3 x 1078, which meets the required bit-error perfor-
mance. Thus, we can meet the given specifications for this power-limited channel by using
16-FSK modulation, without any need for error-correction coding, as we had predicted by
examining the required E,/Ny values in Table 13.1.

13.5 Example 3: Bandwidth-Limited and
Power-Limited Coded System

We start with the same channel parameters as in Example 1 (W = 4000 Hz, S/Np = 53 dB-
Hz, and R = 9600 b/s), with one exception.
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In this example, we specify that Pp must be at most 1075. TABLE 13.2
Table 13.1 shows that the system is both bandwidth limited and BCH Codes (Partial
power limited, based on the available bandwidth of 4000 Hz and Catalog)

the available Ej/Ny of 20.2 dB, from Eq. (13.18); 8-PSK is the R e —
only possible choice to meet the bandwidth constraint; however, 7 4 1
the available E,/Ny of 20.2 dB is certainly insufficient to meet 15 11 1
the required Pg of 107°. For this small value of Pg, we need Z, g
to consider the performance improvement that error-correction s e 1
coding can provide within the available bandwidth. In general, 21 2
one can use convolutional codes or block codes. -
The Bose-Chaudhuri-Hocquenghem (BCH) codes form a large 63 BT 1
class of powerful error-correcting cyclic (block) codes [7]. To 51 2
simplify the explanation, we shall choose a block code from the §S i
BCH family. Table 13.2 presents a partial catalog of the avail- o
able BCH codes in terms of n, k, and ¢, where k represents the 197 120 1
number of information (or data) bits that the code transforms 113 2
into a longer block of 7 coded bits (or channel bits), and ¢ repre- w063
sents the largest number of incorrect channel bits that the code gg 2
can correct within each m-sized block. The rate of a code is 78 7
defined as the ratio k/n; its inverse represents a measure of the 2411 1%

code’s redundancy [7].

13.5.1 Solution to Example 3

Since this example has the same bandwidth-limited parameters given in Example 1, we start
with the same 8-PSK modulation used to meet the stated bandwidth constraint. We now
employ error-correction coding, however, so that the bit-error probability can be lowered to
Pg <1079,

To make the optimum code selection from Table 13.2, we are guided by the following
goals.

1. The output bit-error probability of the combined modulation/coding system must
meet the system error requirement.

2. The rate of the code must not expand the required transmission bandwidth be-
yond the available channel bandwidth.

3. The code should be as simple as possible. Generally, the shorter the code, the
simpler will be its implementation.

The uncoded 8-PSK minimum bandwidth requirement is 3200 Hz (Table 13.1) and the
allowable channel bandwidth is 4000 Hz, and so the uncoded signal bandwidth can be
increased by no more than a factor of 1.25 (i.e., an expansion of 25%). The very first
step in this (simplified) code selection example is to eliminate the candidates in Table 13.2
that would expand the bandwidth by more than 25%. The remaining entries form a much
reduced set of bandwidth-compatible codes (Table 13.3).

In Table 13.3, a column designated Coding Gain G (for MPSK at Pg = 107°) has been
added. Coding gain in decibels is defined as follows:

E E
G= (—”) - (—bs) (13.29)
N 0/ uncoded NO coded

G can be described as the reduction in the required Ej/Ny (in decibels) that is needed
due to the error-performance properties of the channel coding. G is a function of the
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TABLE 13.3 Bandwidth-Compatible BCH

Codes
Coding Gain, G (dB)
n k i MPSK, Pg =109
31 26 1 2.0
63 57 1 2.2
51 2 3.1
127 120 1 2.2
113 2 3.3
106 3 3.9

modulation type and bit-error probability, and it has been computed for MPSK at Pg =
1072 (Table 13.3). For MPSK modulation, G is relatively independent of the value of M.
Thus, for a particular bit-error probability, a given code will provide about the same coding
gain when used with any of the MPSK modulation schemes. Coding gains were calculated
using a procedure outlined in the subsequent Calculating Coding Gain section.

A block diagram summarizes this system, which contains both modulation and coding
(Fig. 13.3). The introduction of encoder/decoder blocks brings about additional transfor-
mations. The relationships that exist when transforming from R b/s to R. channel-b/s to
R, symbol/s are shown at the encoder/modulator. Regarding the channel-bit rate R,, some
authors prefer to use the units of channel-symbol/s (or code-symbol/s). The benefit is that
error-correction coding is often described more efficiently with nonbinary digits. We reserve
the term symbol for that group of bits mapped onto an electrical waveform for transmission,
and we designate the units of R, to be channel-b/s (or coded-b/s).

INPUT
———»  ENCODER > M-ary
MODULATOR
R Re
R bit/s 2 - [B)g ? " log,M
€ (_I—:) symbol/s
channel-bit/s
OUTPUT
~e—— DpECODER | M-ary
DEMODULATOR
E,
E ”J'VS—' - 7\72 R
P, = £ (p.) P (M) = £| 2 ° ;
N, - E
N, C
D, = £1Pz(m] _E
- ® R

FIGURE 13.3 MODEM with channel coding.

We assume that our communication system cannot tolerate any message delay, so that
the channel-bit rate R, must exceed the data-bit rate R by the factor n/k. Further, each
symbol is made up of logy, M channel bits, and so the symbol rate R, is less than R, by
the factor log, M. For a system containing both modulation and coding, we summarize the
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rate transformations as follows:

n

R, = (E)R (13.30)
R,

R, = loggM (13.31)

At the demodulator/decoder in Fig.13.3, the transformations among data-bit energy,
channel- bit energy, and symbol energy are related (in a reciprocal fashion) by the same
factors as shown among the rate transformations in Eqs. (13.30) and (13.31). Since the
encoding transformation has replaced k data bits with n channel bits, then the ratio of
channel-bit energy to noise-power spectral density E./Ny is computed by decrementing the
value of Ey/Ny by the factor k/n. Also, since each transmission symbol is made up of log, M
channel bits, then Eg/Ny, which is needed in Eq. (13.20) to solve for Pg, is computed by
incrementing E./Ny by the factor logy, M. For a system containing both modulation and
coding, we summarize the energy to noise-power spectral density transformations as fol-

lows:
E. k\ Ey
— = -} — 13.32
N(] <’I’L> No ( )
E; E,
s _ M) = 13.
N (logy M) Vo (13.33)

Using Egs. (13.30) and (13.31), we can now expand the expression for §/Ny in Eq. (13.19),
as follows (Appendix).
_S_’ _ Ey E;
No No No

As before, a standard way of describing the link is in terms of the received Ey /Ny in decibels.
However, there are no data bits at the input to the demodulator, and there are no channel
bits; there are only waveforms that have bit meanings and, thus, the waveforms can be
described in terms of bit-energy apportionments.

Since S/Ny and R were given as 53 dB-Hz and 9600 b/s, respectively, we find as before,
from Eq. (13.18), that the received Ej,/No = 13.2 dB. The received Ep/Np is fixed and
independent of n, k, and ¢t (Appendix). As we search, in Table 13.3 for the ideal code to
meet the specifications, we can iteratively repeat the computations suggested in Fig. 13.3.
It might be useful to program on a personal computer (or calculator) the following four
steps as a function of n,k, and t. Step 1 starts by combining Eqs. (13.32) and (13.33), as
follows.

Ee
R= FORC = —R; (13.34)

Step 1:
B, B, k\ B,
N = (log, M) N (log, M) (n) (13.35)

Ny
2, sin ( Ul >
V No M
which is the approximation for symbol-error probability Pg rewritten from Eq. (13.20).
At each symbol-time interval, the demodulator makes a symbol decision, but it delivers a
channel-bit sequence representing that symbol to the decoder. When the channel-bit output

of the demodulator is quantized to two levels, 1 and 0, the demodulator is said to make
hard decisions. When the output is quantized to more than two levels, the demodulator

Step 2:

Pp(M) = 2Q (13.36)
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is said to make soft decisions [15]. Throughout this paper, we shall assume hard-decision
demodulation.

Now that we have a decoder block in the system, we designate the channel-bit-error
probability out of the demodulator and into the decoder as p., and we reserve the notation
Ppg for the bit-error probability out of the decoder. We rewrite Eq. (13.24) in terms of p,
for Pg < 1 as follows.

Step 3:
~ P _Pgp
T logaM T m

Pc (13.37)

relating the channel-bit-error probability to the symbol-error probability out of the demod-
ulator, assuming Gray coding, as referenced in Eq. (13.24).

For traditional channel-coding schemes and a given value of received S/Ny, the value
of Es/Ny with coding will always be less than the value of E,/Ny without coding. Since
the demodulator with coding receives less E;/Ng, it makes more errors! When coding is
used, however, the system error-performance does not only depend on the performance of
the demodulator, it also depends on the performance of the decoder. For error-performance
improvement due to coding, the decoder must provide enough error correction to more than
compensate for the poor performance of the demodulator.

The final output decoded bit-error probability Pz depends on the particular code, the
decoder, and the channel-bit-error probability p.. It can be expressed by the following
approximation [11].

Step 4:

1 & /) —j
Pzl 3 (Mt -p 1339
n . J
j=t+1

where ¢ is the largest number of channel bits that the code can correct within each block
of n bits. Using Egs. (13.35-13.38) in the four steps, we can compute the decoded bit-error
probability Pg as a function of n,k, and ¢ for each of the codes listed in Table 13.3. The
entry that meets the stated error requirement with the largest possible code rate and the
smallest value of n is the double-error correcting (63, 51) code. The computations are as
follows. '

Step 1:
E, 51
— =3 =) 20.890 =50.73
No (63) °
where M = 8, and the received E/Ny = 13.2 dB (or 20.89).
Step 2:
Pg =20 [ 1015 x sin (E)] = 2)(3.86) = 1.2 x 10~*
8
Step 3:
~4
Do & 1.2x10 — 4% 10°°
3
Step 4:
~ 3 (63 _5\3 _560
Pp = 5(3) (4x1075)" (1 -4 x107%)
4 (63 _5\4 _5\59
+6‘§<4> (4x107%)" (1-4x1075)" + ...
= 12x107%
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where the bit-error-correcting capability of the code is ¢ = 2. For the computation of Pp
in step 4, we need only consider the first two terms in the summation of Eq. (13.38) since
the other terms have a vanishingly small effect on the result. Now that we have selected
the (63, 51) code, we can compute the values of channel-bit rate R. and symbol rate R
using Eqgs. (13.30) and (13.31), with M = 8§,

n 63

R, = (%) R= <ﬁ> 9600 ~ 11,859 channel-b/s
R 11

R, = = ———25—9 = 3953 symbol/s

log, M

13.5.2 Calculating Coding Gain

Perhaps a more direct way of finding the simplest code that meets the specified error
performance is to first compute how much coding gain G is required in order to yield Pg =
10~° when using 8-PSK modulation alone; then, from Table 13.3, we can simply choose
the code that provides this performance improvement. First, we find the uncoded E;/Ny
that yields an error probability of Pg = 1079, by writing from Egs. (13.24) and (13.36),

the following:
[2F, . s
[ PE o) 2Q |: NO o (M)] — 10—9

B log, M logy M

At this low value of bit-error probability, it is valid to use Eq. (13.22) to approximate Q(z)
in Eq. (13.39) By trial and error (on a programmable calculator), we find that the uncoded
Es/Ny = 120.67 = 20.8 dB, and since each symbol is made up of log, 8 = 3 bits, the required
(Eb/No)uncoded = 120.67/3 = 40.22 = 16 dB. From the given parameters and Eq. (13.18),
we know that the received (Ep/No)coded = 13.2 dB. Using Eq. (13.29), the required coding
gain to meet the bit-error performance of Pg = 1079 in decibels is

B
G = <_b.) - <ﬂ> =16-13.2=28
NO uncoded NO coded

To be precise, each of the Ej/Ny values in the preceding computation must correspond to
exactly the same value of bit-error probability (which they do not). They correspond to
Pp = 1072 and Pg = 1.2 x 107!°, respectively. At these low probability values, however,
even with such a discrepancy, this computation still provides a good approximation of the
required coding gain. In searching Table 13.3 for the simplest code that will yield a coding
gain of at least 2.8 dB, we see that the choice is the (63, 51) code, which corresponds to the
same code choice that we made earlier.

(13.39)

13.6 Example 4: Direct-Sequence (DS)
Spread-Spectrum Coded System

Spread-spectrum systems are not usually classified as being bandwidth- or power-limited.
They are generally perceived to be power-limited systems, however, because the bandwidth
occupancy of the information is much larger than the bandwidth that is intrinsically needed
for the information transmission. In a direct-sequence spread-spectrum (DS/SS) system,
spreading the signal bandwidth by some factor permits lowering the signal-power spectral
density by the same factor (the total average signal power is the same as before spreading).

223
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The bandwidth spreading is typically accomplished by multiplying a relatively narrowband
data signal by a wideband spreading signal. The spreading signal or spreading code is often
referred to as a pseudorandom code or PN code.

13.6.1 Processing Gain

A typical DS/SS radio system is often described as a two-step BPSK modulation process.
In the first step, the carrier wave is modulated by a bipolar data waveform having a value
+1 or ~1 during each data-bit duration; in the second step, the output of the first step is
multiplied (modulated) by a bipolar PN-code waveform having a value +1 or —1 during
each PN-code-bit duration. In reality, DS/SS systems are usually implemented by first
multiplying the data waveform by the PN-code waveform and then making a single pass
through a BPSK modulator. For this example, however, it is useful to characterize the
modulation process in two separate steps—the outer modulator/demodulator for the data,
and the inner modulator/demodulator for the PN code (Fig. 13.4).

NPT c BPSK DATA BPSK PN-CODE
ENCODER MODULATOR MODULATOR
R bit/s T R = G,R
a—(-j&) Rﬂx‘Rc =G .J_CR
symbol/s P\n/"*
channel-bit/s 4 !
chip/s
QUTPUT
el DECODER — BPSK DATA - BPSK PN-CODE -
DEMODULATOR DEMODULATOR
s _ E,
= E E — = —— R
Fp = £ Pe = Py 2 g Zech N N
E N, ? N, E
=f£|-2 =88R
8
No -Eﬂ- = (ic) ﬂ’ No
N, \n/ N o Ba,
- ch
N,

FIGURE 134  Direct-sequence spread-spectrum MODEM with channel coding.

A spread-spectrum system is characterized by a processing gain Gy, that is defined in
terms of the spread-spectrum bandwidth Wy, and the data rate R as follows [20]:
W,
Gp = — 13.40
»="R (13.40)
For a DS/SS system, the PN-code bit has been given the name chip, and the spread-
spectrum signal bandwidth can be shown to be about equal to the chip rate Rcn as follows:
Rch

Gp = A (13.41)

Some authors define processing gain to be the ratio of the spread-spectrum bandwidth to
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the symbol rate. This definition separates the system performance that is due to band-
width spreading from the performance that is due to error-correction coding. Since we
ultimately want to relate all of the coding mechanisms relative to the information source,
we shall conform to the most usually accepted definition for processing gain, as expressed
in Egs. (13.40) and (13.41).

A spread-spectrum system can be used for interference rejection and for multiple access
(allowing multiple users to access a communications resource simultaneously). The benefits
of DS/SS signals are best achieved when the processing gain is very large; in other-words,
the chip rate of the spreading (or PN) code is much larger than the data rate. In such
systems, the large value of G}, allows the signalling chips to be transmitted at a power level
well below that of the thermal noise. We will use a value of G, = 1000. At the receiver, the
despreading operation correlates the incoming signal with a synchronized copy of the PN
code and, thus, accumulates the energy from multiple (G,) chips to yield the energy per
data bit. The value of G, has a major influence on the performance of the spread-spectrum
system application. We shall see, however, that the value of G}, has no effect on the received
Ey/Ny. In other words, spread spectrum techniques offer no error-performance advantage
over thermal noise. For DS/SS systems, there is no disadvantage either! Sometimes such
spread-spectrum radio systems are employed only to enable the transmission of very small
power-spectral densities and thus avoid the need for FCC licensing [16].

13.6.2 Channel Parameters for Example 13.4

Consider a DS/SS radio system that uses the same (63, 51) code as in the previous example.
Instead of using MPSK for the data modulation, we shall use BPSK. Also, we shall use
BPSK for modulating the PN-code chips. Let the received S/Ny = 48 dB-Hz, the data
rate R = 9600 b/s, and the required Pg < 107¢. For simplicity, assume that there are no
bandwidth constraints. Our task is simply to determine whether or not the required error
performance can be achieved using the given system architecture and design parameters.
In evaluating the system, we will use the same type of transformations used in the previous
examples.

13.6.3 Solution to Example 13.4

A typical DS/SS system can be implemented more simply than the one shown in Fig. 13.4.
The data and the PN code would be combined at baseband, followed by a single pass
through a BPSK modulator. We will, however, assume the existence of the individual
blocks in Fig. 13.4 because they enhance our understanding of the transformation process.
The relationships in transforming from data bits, to channel bits, to symbols, and to chips
Fig. 13.4 have the same pattern of subtle but straightforward transformations in rates and
energies as previous relationships (Figs. 13.2 and 13.3). The values of R, R,, and R,
can now be calculated immediately since the (63, 51) BCH code has already been selected.
From Eq. (13.30) we write

n 63
R, — (E) R= (5—1> 9600 ~ 11,859 channel-b/s

Since the data modulation considered here is BPSK, then from Eq. (13.31) we write

R, = R, =~ 11,859 symbol/s
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and from Eq. (13.41), with an assumed value of G, = 1000
Reh = GpR = 1000 x 9600 = 9.6 x 106 chip/s

Since we have been given the same S/N; and the same data rate as in Example 2, we find
the value of received Ep/Ny from Eq. (13.25) to be 8.2 dB (or 6.61). At the demodulator,
we can now expand the expression for S/Ny in Eq. (13.34) and the Appendix as follows:
S B Bep B Bap, w42

Corresponding to each transformed entity (data bit, channel bit, symbol, or chip) there is
a change in rate and, similarly, a reciprocal change in energy-to-noise spectral density for
that received entity. Equation (13.42) is valid for any such transformation when the rate
and energy are modified in a reciprocal way. There is a kind of conservation of power (or
energy) phenomenon that exists in the transformations. The total received average power
(or total received energy per symbol duration) is fixed regardless of how it is computed, on
the basis of data bits, channel bits, symbols, or chips.

The ratio Ee, /N is much lower in value than Fy/Np. This can be seen from Eqgs. (13.42)
and (13.41), as follows:

Bao S (1) S (1) (15 .
No N \Rch> N (GpR> = (13.43)

KGp} No

But, even so, the despreading function (when properly synchronized) accumulates the energy
contained in a quantity G, of the chips, yielding the same value E,/Ny = 8.2 dB, as was
computed earlier from Eq. (13.25). Thus, the DS spreading transformation has no effect on
the error performance of an AWGN channel [15], and the value of G has no bearing on the
value of Pg in this example.
From Eq. (13.43), we can compute, in decibels,
E;
V; = Ey/No—G,
= 8.2 — (10 x logy, 1000)

= 218 (13.44)

The chosen value of processing gain (G, = 1000) enables the DS/SS system to operate at
a value of chip energy well below the thermal noise, with the same error performance as
without spreading.

Since BPSK is the data modulation selected in this example, each message symbol there-
fore corresponds to a single channel bit, and we can write

Es E. k Ey 51
= 5 =\ =1 = 6.61 = 5.3 45

where the received Ey/Ny = 8.2 dB (or 6.61). Out of the BPSK data demodulator, the
symbol-error probability Pr (and the channel-bit error probability p.) is computed as fol-

lows [15]:
2E,
= Pp = 13.46
Pc E Q ( No > ( )
Using the results of Eq. (13.45) in Eq. (13.46) yields

pe=Q(3.27) =58 x 1074
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Finally, using this value of p. in Eq. (13.38) for the (63,51) double-error correcting code
yields the output bit-error probability of Pg = 3.6 x 10~7. We can, therefore, verify that
for the given architecture and design parameters of this example the system does, in fact,
achieve the required error performance.

13.7 Conclusion

The goal of this section has been to review fundamental relationships used in evaluating
the performance of digital communication systems. First, we described the concept of a
link and a channel and examined a radio system from its transmitting segment up through
the output of the receiving antenna. We then examined the concept of bandwidth-limited
and power-limited systems and how such conditions influence the system design when the
choices are confined to MPSK and MFSK modulation. Most important, we focused on
the definitions and computations involved in transforming from data bits to channel bits
to symbols to chips. In general, most digital communication systems share these concepts;
thus, understanding them should enable one to evaluate other such systems in a similar
way.

Appendix: Received E,/N, Is Independent of the
Code Parameters

Starting with the basic concept that the received average signal power S is equal to the
received symbol or waveform energy, Es, divided by the symbol-time duration, T (or mul-
tiplied by the symbol rate, R;), we write

S BT, E,

—_— = = — R, Al3.1
Ny Ny NOR ( )

where N is noise-power spectral density.
Using Eqs. (13.27) and (13.25), rewritten as

E, E. R.
_— = 1 —_ s =
No (logs M) N and R Tog, M
let us make substitutions into Eq. (A13.1)}, which yields
S E.
2~ Zep, A13.2
No N ( )

Next, using Eqs. (13.26) and (13.24), rewritten as

E k Eb n
e ()22 d R.= (—) R
No (n> Ny o k
let us now make substitutions into Eq. (A13.2), which yields the relationship expressed in
Eq. (13.11)
s _B
No No
Hence, the received Ej /Ny is only a function of the received S/Ny and the data rate R. It is
independent of the code parameters, n, k, and t. These results are summarized in Fig. 13.3.

(A13.3)
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Further Information

A useful compilation of selected papers can be found in: Cellular Radio & Personal
Communications—A Book of Selected Readings, edited by Theodore S. Rappaport, Institute
of Electrical and Electronics Engineers, Inc., Piscataway, New Jersey, 1995. Fundamental
design issues, such as propagation, modulation, channel coding, speech coding, multiple-
accessing and networking, are well represented in this volume.

Another useful sourcebook that covers the fundamentals of mobile communications in
great detail is: Mobile Radio Communications, edited by Raymond Steele, Pentech Press,
London 1992. This volume is also available through the Institute of Electrical and Elec-
tronics Engineers, Inc., Piscataway, New Jersey.
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For spread spectrum systems, an excellent reference is: Spread Spectrum Communications
Handbook, by Marvin K. Simon, Jim K. Omura, Robert A. Scholtz, and Barry K. Levitt,
McGraw-Hill Inc., New York, 1994.
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14.1 Introduction

National economies are increasingly becoming information based, where networking and
information transport provide a foundation for productivity and economic growth. Con-
currently, many countries are rapidly adopting deregulation policies that are resulting in a
telecommunications industry that is increasingly multicarrier and multivendor based, and
where interconnectivity and compatibility between different networks is emerging as key to
the success of this technological and regulatory transition. The communications industry
has, consequently, become more interested in standardization; standards give manufactur-
ers, service providers, and users freedom of choice at reasonable cost.

In this chapter, a review is provided of the primary telecommunications standards set-
ting bodies. As will be seen, these bodies are often driven by slightly different underlying
philosophies, but the output of their activities, i.e., the standards, possess essentially the
same characteristics. An all-encompassing review of standardization bodies is not attempted
here; this would clearly take many volumes to describe. Furthermore, as country after coun-
try increasingly deregulates its telecommunication industry, new standards setting bodies
emerge to fill in the void of the de-facto (but no longer existing) standards setting bodies:
the national telecommunications administration.

The principal communications standards bodies that will be covered are the following:
the International Telecommunications Union (ITU); the United States ANSI Committee

0-8493-8597-0/99/$0.00+$.50
© 1999 by CRC Press LLC 14-1
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T1 on Telecommunications; the Telecommunications Industry Association (TIA); the Eu-
ropean Telecommunications Standards Institute (ETSI); the Inter-American Telecommu-
nications Commission (CITEL); the Japanese Telecommunications Technology Committee
(TTC); and the Institute of Electrical and Electronics Engineers (IEEE). Not addressed
explicitly are other standards setting bodies that are either national or regional in charac-
ter, even though it is recognized that sometimes there is overlap in scope with the bodies
explicitly covered here.

Most notably, standards setting bodies that are not covered, but that are worth noting,
include: the United States ANSI Committee X3; the International Standards Organization
(ISO), the International Electrotechnical Commission (IEC) [except ISO/IEC joint tech-
nical committee (JTC) 1], the Telecommunications Standards Advisory Council of Canada.
(TSACC), the Australian Telecommunications Standardization Committee (ATSC), the
Telecommunication Technology Association (TTA) in Korea, and several forums (whose
scope is, in principle, somewhat different) such as the asynchronous transfer mode (ATM)
forum, the frame relay forum, the integrated digital services network (ISDN) users’ forum,
and telocator. As will be described later, many of these bodies operate in a coherent fash-

ion through a mechanism developed by the Interregional Telecommunications Standards
Conference (ITSC) and its successor, the Global Standards Collaboration (GSC).

14.2 Global Standardization

When it comes to setting global communications standards, the ITU comes to the fore-
front. The ITU is an intergovernmental organization, whereby each sovereign state that is
a member of the United Nations may become a member of the I'TU. Member governments
(in most cases represented by their telecommunications administrations) are constitutional
members with a right to vote. Other organizations, such as network and service providers,
manufacturers, and scientific and industrial organizations also participate in ITU activities
but with a lower legal status.

ITU traces its history back to 1865 in the era of telegraphy. The supreme organ of the
ITU is the plenipotentiary conference, which is held not less than every five years and plays
a major role in the management of ITU. In 1993 the ITU as a U.N.-specialized agency
was reorganized into three sectors (see Fig. 14.1): The telecommunications standardization
sector (ITU-T), the radiocommunications sector (ITU-R), and the development sector
(BDT). These sectors’ activities are, respectively, standardization of telecommunications,
including radio communications; regulation of telecommunications (mainly for radio com-
munications); and development of telecommunications.

It should be noted that, in general, the ITU-T is the successor of the international tele-
phone and telegraph consultative committee (CCITT) of the ITU with additional respon-
sibilities for standardization of network-related radio communications. Similarly, the ITU-R
is the successor of the international radio consultative committee (CCIR) and the inter-
national frequency registration bureau (IFRB) of the ITU (after transferring some of its
standardization activities to the ITU-T). The BDT is a new sector, which became opera-
tional in 1989.

14.2.1 ITU-T

Within the ITU structure, standardization work is undertaken by a number of study groups
(SG) dealing with specific areas of communications. There are currently 14 study groups,
as shown in Table 14.1.
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Plenipotentiary Conference

] |
Radiocommunications Telecon%mu‘mcanons Development Sector
Sector Standardization Sector
C i World/Regional .
ounet Conferences World Conferences World/Regional
Radiocommunication Conferences
Assemblies
Radio Regulations Study Groups —  Study Groups —  Study Groups
Board-
Secretary-General Director Director Director
Deputy Bureau Bureau Bureau
Secretary-General
General
Secretariat
Coordination . R .
Committee Advisory Group Advisory Group Advisory Board

World Conferences on International Telecommunications —

FIGURE 14.1 The ITU structure.

Study groups develop standards for their respective work areas, which then have to be
agreed upon by consensus—a process that for the time being is reserved to administrations
only. The standards so developed are called recommendations to indicate their legal
nonbinding nature. Technically, however, there is no distinction between recommendations
developed by the ITU and standards developed by other standards setting bodies.

The study groups’ work is undertaken by delegation members, sent or sponsored by their
national administrations, and delegates from recognized private operating organizations
(RPOA), scientific and industrial organizations (SIO) or international organizations. Be-
cause an ITU-T study group can typically have from 100 to more than 500 participating
members and deal with 20-50 project standards, the work of each study group is often
divided among working parties (WP). Such working parties are usually split further into
experts’ groups led by a chair or “rapporteur” with responsibility for leading the work
defined in an approved active question or subelement of a question.

To coordinate standardization work that spans several study groups, two joint coordi-
nation groups (JCG) have also been established (not shown in Fig. 14.1): International
Mobile Communications (IMT-2000) and Satellite Matters.

Such groups do not have executive powers but are merely there to coordinate work of
pervasive interest within the ITU-T sector.

Also part of the ITU-T structure is the telecommunications standardization bureau (TSB)
or, as it was formerly called, the CCITT secretariat. The TSB is responsible for the or-
ganization of numerous meetings held by the sector each year as well as all other support
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TABLE 14.1 ITU-T Study Group Structure

SG 2 Network and service operation
Lead SG on Service definition, Numbering, Routing and Global Mobility

SG 3 Tariff and accounting principles

SG 4 TMN and network maintenance
Lead SG on Telecommunication management network (TMN) studies

SG 5 Protection against electromagnetic environmental effects
SG 6 Outside plant

SG 7 Data networks and open systems communications
Lead SG on Open Distributed Processing (ODP), Frame Relay and for
Communications System Security

SG 8 Characteristics of telematic services
Lead SG on Facsimile

SG 9 Television and sound transmission
SG 10  Languages and general software aspects for telecommunications systems

SG 11 Signalling requirements and protocols
Lead SG on Intelligent Network and IMT-2000

SG 12  End-to-end transmission performance of networks and terminals

SG 13 General network aspects
Lead SG on General network aspects Global Information Infrastructures and
Broadband ISDN

SG 15  Transport networks, systems and equipment
Lead SG on Access Network Transport

SG 16  Transmission systems and equipment
Lead SG on Multimedia services and systems

services required to ensure the smooth and efficient operation of the sector (including, but
not limited to, document production and distribution). The TSB is headed by a director,
who holds the executive power and, in collaboration with the study groups, bears full re-
sponsibility for the ITU-T activities. In this structure, unlike other U.N. organizations, the
secretary general is the legal representative of the ITU, with the executive powers being
vested in the director.

Finally, the ITU-T is supported by an advisory group, i.e., the telecommunications stan-
dardization advisory group (TSAG), which together with interested ITU members, the
ITU-T Director, and ITU-T SG chairman, guides standardization activities.

14.2.2 ITU-R

The radiocommunications sector emphasizes the regulatory and pure radio-interface aspects.
The functional structure of the ITU-R currently includes eight study groups, (shown in
Table 14.2) a radiocommunications bureau, and an advisory board. The role of the latter
two elements is very similar to the ITU-T and, thus, need not be repeated here.

As within the ITU-T, there are areas of pervasive interest, and so areas of common interest
can be found between the ITU-T and ITU-R where activities need to be coordinated. To
achieve this objective, two intersector coordination groups (ICG) have been established
(not shown in Fig. 14.1) dealing with international mobile telecommunications (IMT-2000),
and satellite matters.

Three major special activities have been organized within ITU-R:

e IMT-2000 (formerly known as Future Public Land Mobile Telecommunications
Systems FPLMTS). The objective of the International Mobile Telecommunica-
tions (IMT)-2000 activity is to provide seamless satellite and terrestrial operation
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TABLE 14.2 ITU-R Study Group Structure

SG 1 Spectrum management

SG 3 Radio wave propagation

SG 4 Fixed satellite service

SG 7 Science services

SG 8 Mobile, radio determination, amateur and related satellite services
SG 9 Fixed service

SG 10  Broadcasting services: sound

SG 11 Broadcasting services: television

of mobile terminals throughout the world—anywhere, anytime—where communi-
cation coverage requires interoperation of satellite and terrestrial networks. This
is to be accomplished using technology available around the year 2000.

e Mobile-satellite and radionavigation-satellite service (MSS-RNSS). The rapid
growth of service in these areas has created a need to focus attention on in-
terference and spectrum allocation.

e Wireless Access Systems (WAS). This is an application of radio technology and
personal communications systems directed toward lowering the installation and
maintenance cost of the local access network. The traditional high cost has pre-
vented penetration of basic telephone service in evolving and developing countries
of the world. Overcoming this barrier is an objective of the BDT, described next.

14.2.3 BDT

Unlike the ITU-T (and to some extent ITU-R), which deals with standardization, the BDT
deals with aspects that promote the integration and deployment of communications in de-
veloping countries. Typical outputs from this sector include implementation guides that
expand the utility of ITU recommendations and ensure their expeditious implementation.
Communications has been recognized as a necessary element for economic growth. The
BDT also seeks to arrange special financing involving communication suppliers and gov-
ernments or authorized carriers within developing countries to enable provision of basic
communications service where otherwise it would not be possible.

14.2.4 ISO/IEC]JTC1

Two global organizations are active in the information processing systems area, the Inter-
national Standards Organization (ISO) and the International Electrotechnical Commission
(IEC), particularly through the Joint Technical Committee 1 (JTC 1).

The ISO comprises national standards bodies, which have the responsibility for promoting
and distributing ISO standards within their own countries. ISO technical work is carried
out by some 200 technical committees (TC). Technical committees are established by the
ISO council and their work program is approved by the technical board on behalf of the
council.

The IEC comprises national committees (one from each country) and deals with almost all
spheres of electrotechnology, including power, electronics, telecommunications, and nuclear
energy. IEC technical work is performed by some 200 TCs set up by its council and some
700 working groups. Part of this organization, a President’s Advisory Committee on future
technology (PACT) advises the IEC president on new technologies which require preliminary
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or immediate standardization work. PACT is designed to form a direct link with private
and public research and development activities, keeping the IEC abreast of accelerating
technological changes and the accompanying demand for new standards. Small industrial
project teams examine new work initiatives which can be introduced into the regular IEC
working structure.

In 1987 a joint technical committee was established incorporating ISO TC97, IEC TCS83,
and subcommittee 47B to deal with generic information technology. The international
standards developed by JTC1 are published under the ISO and IEC logos. The activities
of ISO/TEC/JTC 1 are listed in Table 14.3 expressed in terms of its subcommittees (SC).

TABLE 14.3  ISO/IEC/JTC1 Subcommittees

SC1 Vocabulary

SC 2 Coded character sets

SC 6 Telecommunications information exchange between systems

sCr17 Software engineering

SC 11 Flexible magnetic media for digital data interchange

SC 17  Identification cards and related devices

SC 22  Programming languages, their environments and systems software interfaces
SC 23 Optical disk cartridges for information interchange

SC 24  Computer graphics and image processing

SC 25  Interconnection information technology management

SC 26  Microprocessor systems

SC 27  IT security techniques

SC 28 Office equipment

SC 29 Coding of audio, picture, multimedia and hypermedia information
SC 31 Automatic data capture

SC 32 Data management services

SC 33  Distributed application services

The ISO and IEC jointly issue directions for the work of the technical committees. The
scope (or area of activity) of each technical committee (TC)/subcommittee (SC) is defined
by the TC/SC itself, and then submitted to the Committee of Action (CA)/parent TC
for approval. The TCs/SCs prepare technical documents on specific subjects within their
respective scopes, which area then submitted to the National Committees for voting with
a view to their approval as international standards.

14.3 Regional Standardization

Today the ETSI comes closest to being a true regional standards setting body, together
with CITEL, the regional (Latin-American) standardization body.

ETSI is the result of the Single Act of the European community and the EC commission
green paper in 1987 that analyzed the consequences of the Single Act and recommended
that a European telecommunications standards body be created to develop common stan-
dards for telecommunications equipment and networks. Out of this recommendation, the
Committee for Harmonization (CCH) and the European Conference for Post and Telecom-
munications (CEPT) evolved into ETSI, which formally came into being in March 1988. It
should be noted, however, that even though ETSI attributes at least part of its existence to
the European Community, its membership is wider than just the European Union Nations.
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Because of the way ETSI came into being, ETSI is characterized by a unique aspect,
namely, it is often called upon by the European Commission to develop standards that
are necessary to implement legislation. Such standards, which are referred to as tech-
nical basis reports (TBR) and whose application is usually mandatory, are often needed
in public procurements, as well as in provisioning for open network interconnection as na-
tional telecommunications administrations are being deregulated. Like ITU, however, ETSI
also develops voluntary standards in accordance with common international understanding
against which industry is not obliged to produce conforming products. These standards fall
into either the European technical standard (ETS) class when fully approved, or into the
interim-ETS class, when not fully stable or proven.

ETSI standards are typically sought when either the subject matter is not studied at the
global level (such as when it may be required to support some piece of legislation), or the
development of the standard is justified by market needs that exist in Europe and not in
other parts of the world. In some cases, it may be necessary to adapt I'TU standards for
the European continent, although a simple endorsement of an ITU standard as a European
standard is also possible. A more delicate case arises when both the ITU and ETSI are
pursuing parallel standards activities, in which case close coordination with the ITU is
sought either through member countries that may input ETSI standards to the ITU for
consideration or through the global standards collaboration process.

The highest authority of ETSI is the general assembly, which determines ETSI’s policy,
appoints its director and deputy, adopts the budget, and approves the audited accounts.
The more technical issues are addressed by the technical assembly, which approves technical
standards, advises on the work to be undertaken, and sets priorities. The ETSI technical
committees are listed in Table 14.4.

TABLE 14.4 ETSI Technical Committees

TCEE Environmental engineering

TCHF Human factors

TCMTS Methods for testing and specification
TCSEC Security

TCSPS Signalling protocols and switching

TCTM Transmission and multiplexing

TCERM EMC and radio spectrum matters

TCICC Integrated circuit cards

TCNA Network aspects

TCSES Satellite earth stations and systems
TCSTQ Speech processing, transmission and quality
TCTMN Telecommunications management networks
ECMA TC32 Communication, networks and systems interconnection

EBU/CENELEC/ETSI JTC  Joint technical committee

It can be seen that ETSI currently comprises 14 technical committees reporting to the
technical assembly. These committees are responsible for the development of techmnical
standards. In addition, these committees are responsible for prestandardization activities,
that is, activities lead to ETSI technical reports (ETR) that eventually become the basis
for future standards.
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In addition to the technical assembly, a strategic review committee (SRC) is responsible
for prospective examination of a single technical domain, whereas an intellectual property
rights committee defines ETSI’s policy in the area of intellectual property. Although by
no means unique to ETSI, the rapid pace of technological progress has resulted in more
standards being adopted that embrace technologies that are still under patent protection.
This creates a fundamental conflict between the private, exclusive nature of industrial prop-
erty rights, and the open, public nature of standards. Harmonizing those conflicting claims
has emerged as a thorny issue in all standards organizations; ETSI has established a formal
function for this purpose. Finally, the ETS/EBU technical committee coordinates activities
with the European broadcasting union (EBU), whereas the ISDN committee is in charge of
managing and coordinating the standardization process for narrowband ISDN.

14.3.1 CITEL

On June 11, 1993, the Organization of American States (OAS) General Assembly revised
the existing Inter-American Telecommunication Commission (CITEL) strengthening and
reorganizing the activities of CITEL, creating a position for the executive secretariat of
CITEL and opening the doors, as associate members, to enterprises, organisms, and pri-
vate telecommunication organizations, to act as observers of the permanent consultative
committees of CITEL and its working groups.

CITEL’s objectives include facilitating and promoting the continuous development of
telecommunications in the hemisphere. It serves as the organization’s principal advisory
body on matters related to telecommunications. The commission represents all the mem-
bers states. It has a permanent executive committee consisting of 11 members, and three
permanent consultative committees. The permanent consultative committees, whose mem-
bers are all member states of the organization, also have associate members that represent
various private telecommunications agencies or companies.

The general assembly of CITEL, through resolution CITEL Res.8(1-94) established the
following specific mandates for the three permanent consultative committees and the steer-
ing committee.

Permanent Consultative Committee I: Public Telecommunication Services. To
promote and watch over the integration and strengthening of networks and public telecom-
munication services operating in the countries of the Americas, taking into account the need
for modernization of networks and promotion of universal telephone basic services, as well
as for increasing the public availability of specialized services and the promotion of the use
of international ITU standards and radio regulations.

Permanent Consultative Committee II: Broadcasting. To stimulate and encour-
age the regional presence of broadcasting services, promoting the use of modern technologies
and improving the public availability of such communication media, including audio and
video systems, and the promotion of the use of international ITU standards and radio
regulations.

Permanent Consultative Committee III: Radiocommunications. To promote
the harmonization of radiocommunication services bearing especially in mind the need for
a reduction to the minimum of those factors that may cause harmful interferences in the
performance and operation of networks and services. To promote the use of modern tech-
nologies and the application of the ITU radio regulations and standards.

Steering Committee. The Steering Committee shall be formed by the chairman and
vice-chairman of COM/CITEL and the chairman of the PCCs. The committee will be
responsible for the revision and proposal to COM/CITEL of the continuous updating of
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the regulations, mandates and work programs of CITEL bodies; the executive secretary of
CITEL will act as the secretary of said committee.

14.4 National Standardization

As standardization moves from global to regional and then to national levels, the number
of actual participating entities rapidly grows. Here, the function of two national standards
bodies are reviewed, primarily because these have been in existence the longest and secon-
darily because they also represent major markets for commercial communications.

14.4.1 ANSIT1

Unlike the ETSI, which came into being partly as a consequence of legislative recommen-
dations, the ANSI Committee T1 on telecommunications came into being as a result of the
realization that with the breakup of the Bell System, de-facto standards could no longer be
expected. In fact, T1 came into being the very same year (1984) that the breakup of the
Bell System came into effect.

The T1 membership comprises four types of interest groups: users and general interest
groups, manufacturers, interexchange carriers, and exchange carriers. This rather broad
membership is reflected, to some extent, by the scope to which T1 standards are being ap-
plied; this means that nontraditional telecommunications service providers are utilizing the
technologies standardized by committee T1. This situation is the result of the rapid evolu-
tion and convergence of the telecommunications, computer, and cable television industries
in the United States, and advances in wireless technology.

Committee T1 currently addresses approximately 150 approved projects, which led to
the establishment of six, primarily functionally oriented, technical subcommittees (TSC),
as shown in Table 14.5 and Fig. 14.2 [although not evident from Table 14.3, subcommittee
T1P1 has primary responsibility for management of activities on personal communications
systems (PCS)|. In-turn, each of these six subcommittees is divided into a number of sub-
tending working groups, and subworking groups.

TABLE 14.5 T1 Subcommittee Structure

TSC: TIAL Performance and signal processing

TSC: T1EL Network interfaces and environmental considerations

TSC: TIM1 Interwork operations, administration, maintenance, and provisioning
TSC: T1P1 Systems engineering, standards planning, and program management
TSC: T181 Services, architecture, and signalling

TSC: T1X1 Digital hierarchy and synchronization

Committee T1 also has an advisory group (T1AG) made up of elected representatives
from each of the four interest groups to carry out committee T1 directives and to develop
proposals for consideration by the T1 membership.

In parallel to serving as the forum that establishes ANSI telecommunications network
standards, committee T1 technical subcommittees draft candidate U.S. technical contri-
butions to the ITU. These contributions are submitted to the U.S. Department of State
National Committee for the ITU, which administers U.S. participation and contributions
to the ITU (see Fig. 14.3). In this manner, activities within T1 are coordinated with
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