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Cenz
AVGs = Viteppeak - 2 20.31
@ steppeak Cgsl + Cgs2 + ngZ ( )
and the change in output current is given by
Al, = %E(AVGS +Vas — Vran)? - %(VGS - Vran)? = %AV%;S +gmAVes (20.32)

The rate at which Vgs decays back to its DC value is determined by the time constant, T
. However, the effective resistance needed to charge or discharge the node that defines
Vs 18 dependent on the direction of the pulse generator. If a negative-going pulse is
applied to the current mirror, then the effective resistance is simply R. However, if a
positive-going pulse is applied to the mirror, then the effective resistance that
discharges the change in gate-source voltage is now 1/g , such that

1

’C='§;1- (Ces1+ Cesz + Cou) (20.33)
The rate at which the output current decays back to its DC value is approximated by
To= 2T (20.34)

Example 20.7

Determine the peak current deviation and the time it takes the output current to
return to its steady-state value for the simple current mirror given in Ex. 20.1
using the test circuit given in Fig. 20.11. Assume the step transitions from 0 to
2.5 V. Compare the hand calculations with PSPICE.

We know that /), = [, = =10 pA, L, =L, =5 pm, and W, = W, = 15 pm.
Therefore,

Cye1 =3Ch,W1L1 =40 {F
Ce2 = 2C[,WaL, =40 fF
Cear =CGDO- W, =5.7 {F

KP - Wy MA
= ——= 150 —
P L v?

A
B, =150 %—2-
A
gm = |2B1lp1 =55 E\‘,—
LA
m2 = 55—
gm2 =155 v
The change in gate-source voltage is given by
=05, — ]
AVgs=2.5 10740757 0.18V
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444 Part III CMOS Analog Circuits

and the change in the output current, using Eq. (20.32), is given by
A, =75x1075(0.18)* +55x107(0.18) = 12 uA !

The time constant for V ; decay using Eqgs. (20.33) and (20.34), is given by

--—1—0_6- (40 +40+5.7)x 1075 = 1.5 ns

T=
55%1

and the output current time constant is
To=3nS

The PSPICE simulations are shown in Fig. 20.12. The hand calculations are
very close to the simulation results. Note the simulation problems encountered
with the output current. Putting a series resistor between the pulse source and
the current source helps to "slow" things down enough to eliminate these
problems. Of course, the results are affected because the resistor acts to increase
the pulse risetime applied to the current source. B

I 200uA,
o]
u
t
100uA " Simulation problems
Output current
0A M A,
o ID(M2)
g~ L1V
a
t
e
VLA Change in VGS
.
-1.3V r T
45ns 50ns 55ns 80ns
a V(4)
Time

Figure 20.12 Simulated pulse response of the current mirror in Ex. 20.1.

Poor transient response of a current mirror can severely limit the performance of
a circuit. In some cases, such as the current sources discussed later in the chapter that
use negative feedback, the current source can actually become unstable and oscillate.

20.1.5 Layout of the Simple Current Mirror

When laying out the current mirror, the lateral diffusion and the oxide encroachment on
the length and width of the MOSFET must be taken into consideration. The lateral
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Chapter 20 Current Sources and Sinks 445

diffusion, DL, given in the BSIM model, and the oxide encroachment, DW, in the BSIM

. . . W, . _ .

model will cause errors in the ratio w7~ If the requirement that Ly, = Lyjay, 1S

. . Ly _ LiggwDL. . . . . .

imposed, then the ratio Zi = ——-—LZ —; is unity. Since the widths of the devices determine
rawn

the relative currents in the mirror, the widths cannot be equal. Figure 20.13a shows a

current mirror layout without width compensation. The width ratio, —g—f, can be written

pimple current mirror

to R J out

VER

No width correction

(2)

VSS

Mirror with width correction

(b)

Figure 20.13 Layout of a MOSFET mirror to eliminate oxide encroachment effects.
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446 Part III CMOS Analog Circuits

Wadrawn—DW

T which is clearly not an integer if the drawn widths are not equal. Figure

20.13b shows how to layout a current mirror to avoid these problems. The layout of M2
is basically four MOSFETs: in parallel. This can be specified in SPICE by adding M =
X after the MOSFET statement in the netlist, where X is the number of MOSFETs.
The lines in the netlist may look similar to

‘M1 1100 CMOSNB L=5u W=5u
M2 2100 CMOSNB L=5u W=5u M=4

20.1.6 Matching in MOSFET Mirrors

Many analog applications are quite susceptible to errors due to layout. In circuits in
which devices need to be matched, layout becomes a very critical factor. For example,
in the basic current mirror shown in Fig. 20.1, first-order process errors can cause the
mirrored current to be significantly different from the reference current. Process
parameters such as gate-oxide thickness, lateral diffusion, oxide encroachment and,
oxide charge density can drastically affect the performance of a device. Layout methods
can be used to minimize the first-order effects of these parameter variations.

Threshold Voltage and Transconductance Parameter

In a given current mirror application, the values for the threshold voltages are critical in
determining the overall accuracy of the mirror. Again examine the basic current mirror
shown in Fig. 20.1. Since both devices have the same value for V,, and assuming that 3
for both devices are equal, examine the effect of a mismatch in threshold voltages
between the two devices [3]. If it is assumed that the threshold mismatched is
distributed across both devices such that

Vvt = Vran — 0.5AVran (20.35)
Vrane = Vrgy + 0.5AVran (20.36)

where V.

uv 18 the average value of V,,,,, and V,,,, and AV, is the mismatch, then,

AV. 2
Lo _BWos = Ve =058V _[1=sweizg] 0 o
ID] B(VGS hnd VTHN + O.5AVTHN)2 [ AVTHN ]2 ’

2Ves—Vran)

1+

If both expressions are squared and the higher order terms are ignored, then the
first-order expression for the ratio of currents becomes

Io 2AVruy

— =] - 20.38

I; (Vas — Vran) ( )
Equation (20.38) is quite revealing because it shows that as Vdecreases, the difference
in the mirrored currents increases due to threshold voltage mismatch. This is
particularly critical for devices that are separated by relatively long distances, since the

threshold voltage is quite susceptible to process gradients.
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Chapter 20 Current Sources and Sinks 447

The same analysis can be performed on the transconductance parameter, KP,. If
KP, = KP, - 0.5AKP, and KP,, = KP, + 0.5AKP,, where KP, is the average of KP,, and
KP,,, then assuming perfect matching on all other parameters, the difference in the
currents becomes

Io AKP,
—=1 .
Tn: + KP. (20.39)

Drain to Source Voltage and Lambda

One aspect of current mirrors that is critical in generating accurate currents is the
product of the drain to source voltage and lambda. In the basic current mirror, the ratio
of the output current to the reference current is affected by both factors. For example,
in Fig. 20.14, assume that the two devices are perfectly matched, except for their values
of A=A + A, and V. If V,,, =2V, V, =4V, and A, = 0.05, A, =0.04, then

IO _ 1+(}\'C +}\4m)VDSQ, _ 1+(0.05)4 _

Ipt 1+Oc+An)Vpsi  1+(0.04)2

1.11 (20.40)
resulting in over 11 percent error. In some applications, it may be difficult to ensure

that the drain to source voltages are the same for both devices. If possible, effort should
be made to design the circuit so that the values of V are equal.

I’

+
Vpsz2=4V

Figure 20.14 Basic current mirror with differing values of drain to source voltages.

Layout Techniques to Improve Matching

Most analog applications require that the length of the gate in an analog design be
several times larger than the minimum drawn gate length, since the channel length
modulation, A, , has less effect on larger devices than smaller ones. As a result,
minimum-sized devices are rarely used in analog applications as is found in many
digital circuits. However, the larger devices can result in larger parasitics if some
layout issues are not considered. Figure 20.15a illustrates a basic MOSFET device with
a large W/L. Since the width of the device is quite large, the diffusion resistance of the
source and drain can be modeled as shown in Fig. 20.15b. The diffusion resistance can
easily be reduced by simply adding as many contacts as possible along the width of both
source and drain as seen in Fig. 20.15c. As was discussed in previous chapters, the
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Figure 20.15 (a) Large device with a single contact and (b) its equivalent circuit.
(c) Adding more contacts to reduce parasitic resistance.

increase in number of contacts results in lower resistance, more current capability, and a
more distributed current load throughout the device. However, as the device size
increases, another technique is used which distributes the parasitics (both resistive and

capacitive) into smaller contributions.

Examine Fig. 20.16. Here, a single device with a large W/L is split into several

parallel devices, each with one-fourth of the original W. One result of splitting
device into several parts is smaller overall parasitic capacitance associated with

the
the

reversed-biased diffusion substrate diode (the drain or source depletion capacitance to
substrate). Since values of C,, and C, are proportional to W, the split device reduces
these parasitics by a factor of (n + 1)/2n where n is the number of parallel devices and is
odd. If n is even, then the C,, is reduced by one-half and C,, is reduced by (n + 2)/2n

[5].

Notice also, that Fig. 20.16 has dummy poly strips on both sides of the device.
These strips are used to help minimize the effects of undercutting the poly on the outer

.

®)

. c
Resist Larger undercut

.

L =
() Etched layer

(©)

Figure 20.16 (a) A parallel device with dummy strips, (b) the equivalent circuit and
(c) undercutting.
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Chapter 20 Current Sources and Sinks 449

edges after patterning. If the dummy strips had not been used, the poly would have
been etched out more under the outermost gates, resulting in a mismatch between the
four parallel devices.

When matching two devices, it is imperative that the two devices be as
symmetrical as possible. Always orient the two devices in the same direction, unlike
that illustrated in Fig. 20.17. Splitting the devices into parallel devices and
interdigitizing them can distribute process gradients across both devices, thus
improving matching. An example of this can be seen in Fig. 20.18. Note the use of
dummy poly strips on this layout. A good exercise at this point is to lay out the mirror
of Fig. 20.18 in a common-centroid arrangement (see Figs. 7.7 and 7.9).

Figure 20.17 Devices with differing orientation.

RERRS T ;‘5“‘“\‘\\\\\\‘\\\\‘\‘\\\‘\\“\\“‘
N zs_zsmﬁ@mm%mm mmm
SN ﬁ S “*-
BN & - R
§ B o S
RO 1 N
SliE L e
NI Rt
NN
(@)
D1 D2
M1 }**’ M2
S1,2
(b

Figure 20.18 (a) Layout of a simple current mirror using interdigitation and
(b) equivalent circuit.
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20.2 Other Current Sources/Sinks

The basic current mirror can be improved significantly with negative feedback. There
are two widely used current mirrors of this type, known as a Wilson current mirror and
the regulated cascode. Both offer stable current values for wide voltage swings and
enhanced output impedance.

The Wilson mirror [1, 3] can be seen in Fig. 20.19. Series sampling is used at
the output to increase the output impedance and stabilize the drain current I,,,. The
feedback mechanism is as follows. Suppose that I,,, is a constant and stable reference
current and the voltage, V,, increases, which causes I, to increase. I, increases by the
same amount while I, stays constant. As a result, the voltage at node A decreases, thus
decreasing V, and stabilizing the current through M4.

The output impedance can be found by analyzing the circuit shown in Fig.
20.20. Note that since the gate of M1 is a DC voltage, v, = 0 and the only contribution
to the small-signal circuit from M1 is the resistance, r,. Source absorption also converts
the controlled current source of g,,v,, into its equivalent resistance of 1/g, .. From this
circuit, we can generate the following equations,

Vsbd = Vgs2 (20.41)
Vesz = ie(rs] lé—i;) (20.42)

Vst = vgsa[1 + gma(rorllrer)] = —is(rosl Ié—}n-;)[l +gm(rarllro)] (20.43)

Vi—Vgs2
o4

It = gmaVgst — EmbaVsps + (20.44)

Plugging Eqs. (20.41 - 20.43) into Eq. (20.44), yields,

1
Rou = }{i = I‘04|:1 +gm4(ro3ng%3)(l +gm(ro1 ”roz))] +gmb4|:(7’o3”g,‘}z) +710—4—(r03”§;n—3— J

t

(20.45)
VDD
o)
VBias ‘C{ t‘ ID]

e_

A Ma T
I,

MEI i M3 Vo

VSS

Figure 20.19 Wilson current mirror.
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EmaVesa 8 mbaV sbd Yod Vi
° + Vesd _4
+
1
rorllren Em2Vgs2 Vg3 = Vaps rosll 2

Figure 20.20 Small signal model of the Wilson current mirror used to determine
output resistance.

which can be approximated as

Rour = 7'04[1 +gm2(rol l IroZ) + gmb4("g"'1—"5) + mlg-n-g:l (2046)
If it is assumed that r03||-—-1-— ~-L and that g3 = gma then Eq. (20.46) can be further
8m3  &m3

reduced. If the last two terms in the equation are assumed to be negligible and if
Yo = ol = Fo2 = Fos then R, becomes,

2

Rout = To +gm2%0‘ (20.47)

It now becomes apparent that with the 2 term in Eq. (20.47), the Wilson current mirror
has an output impedance similar in size to the cascode current mirror.

One problem associated with this mirror is the minimum voltage required to
keep I, constant. As seen in Fig. 20.19, the minimum output voltage, V,, necessary to
keep both M3 and M4 in saturation is

Vo(min) = Vgss + Vpsasar = Voss + Vosa — Vrrna (20.48)

which can be written in terms of the drain current, I , as

s 403

V,(min) = /%3— + Vs + /%— =2 /é; Vs (20.49)

if B3 = Pa. As I, increases, V,(min) becomes larger by two times the square root of 1.

Regulated Cascode Current Source/Sink

Another popular type of current mirror is the regulated cascode current mirror [6]. This
current mirror also uses negative feedback to stabilize the output current and increase
the output impedance to a higher degree than the Wilson mirror. Figure 20.21
illustrates a regulated cascode current mirror. The transistors M2 and M4 make up the
negative feedback loop, which stabilizes I. If I, were to increase, then, since a constant
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VBiasl ‘4

Figure 20.21 Regulated cascode current sink.

current flows through M3, the voltage on node A would rise, which in turn would
increase the current through M2. Since the current through M1 is also a constant

amount, the voltage at node B would decrease, thereby offsetting the increase in I, by .

decreasing Vq,

This current mirror offers some significant advantages over any of the previously
discussed current mirrors. First, the output impedance of this current mirror is
significantly higher. The small-signal equivalent circuit is shown in Fig. 20.22. Since
M1 and M3 are used in conjunction with DC bias sources, only their resistances, r,; and
r,, » respectively, will appear in the small-signal model. However, both M2 and M4
contribute to the model. Notice that there is only a subtle difference in the small-signal
model shown for Fig. 20.7 (cascode) and Fig. 20.20 (Wilson). The main difference is
the fact that the device, M3, is no longer gate-drain connected, and so the controlled
source, g,,v,, is no longer source absorbed. The analysis for calculating the output
resistance R, is identical to that performed for the Wilson current mirror, except that
the resistor that was represented as, r,ll1/g,, is now just r,; . The resistance, R, now
becomes,

Row = l:"t' = ro4|:1 +gm4ra3(1 +gm2(r01”r02)) + gmba¥ 03 +'::‘3% :l (2050)
t

which is dominated by the effective r3 term composed of r,3,7,4 and the parallel

combination of ry1and ro2. R can be further reduced to

out

. glr
Rouw = 'l—t = gmr8ma(Toillrea)osros = "’2 < (20.51)
t

if all the devices are matched. Assuming typical values of g,, = 20 LA/V and r,=10MQ,
we see that the output of the regulated cascode is approximately 400 GQ!

Another positive attribute of the regulated cascode is that its minimum value of
V_ is lower than most of the other configurations. Since the negative feedback stabilizes
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Figure 20.22 Small-signal model of the regulated cascode current mirror used to
determine output resistance.

the voltages at nodes A and B, the output resistance is so large that M4 can become
nonsaturated and still maintain a fairly constant current. The minimum output voltage
is then determined by the fact that I, starts to change as node A starts to drop and M3
goes into nonsaturation. Therefore, the minimum output voltage is approximately a
single V,(sat).

One might question how the current sink shown in Fig. 20.21 can be used as a
current mirror. With some modification, a true current mirror can be formed. Examine
Fig. 20.23. With the addition of transistors M1, M5, M6, and M7, the input current,
can be mirrored quite accurately through M3. If the current through M2 is identical to
I, and B, = B,, note that V,, = V., = V , and that M3 is effectively always saturated

since Vpg > Vs — Vs - This condition fails, however, if V,, changes.

VDD
M6 ':H»—c‘ M7 ¢ I, +
llD] M4 Vo
M2
M1 I M M3
ME

'
VS§S

Figure 20.23 Regulated cascode current mirror.

Example 20.8
Estimate and determine, through SPICE simulation, the output resistance of the
current sink shown in Fig. Ex20.8.
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VBiasl
25V ) Lo
]o_f_({ +
. 70/5 70/5 v
iID] 15/5
15/5 Vo
15/5 { } 155 55—
Ml M M3

25V
Figure Ex20.8

From Ex. 20.1 the current that flows in all MOSFETs in Fig. Ex20.8 is 10 pA
and the output resistance is 1.67 MEG. The transconductance, g,, from Ex. 20.4
is 55 pA/V. The output resistance can be estimated, using Eq. (20.51), as 6.9
GQ, or approximately 50 times larger than the basic cascode of Ex. 20.4.
Simulation results are shown in Fig. 20.24. The minimum voltage across the
current source is approximately 1.3 V (0.3 V) with both M3 and M4 saturated
(only M3 saturated). This corresponds to —1.2 V (2.2 V) on the drain of M4.
The current through the 380k resistor is slightly different from the output
current when all MOSFETSs are in the saturation region. This is the result of
differing drain-source voltages between M1 and M3. The folded cascode current

12u4

=N Relie Nalle!

Output current
10uA - -

\ M4 triodes

Current through 380k

BuA.

BuA T A
-2.5V —-2.0V -1.0V
o [(V_AMM1) o I(V_AMM2)

0.0V 1.0V 2.0V 25V
Vo

Figure 20.24 Simulation results for Ex. 20.8.
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Mi M3 —
[ . ]
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Figure 20.25 Improved regulated cascode current mirror.

mirror of Fig. 20.25 overcomes this mismatch by forcing the drain-source
voltage of these two transistors equal.

This configuration is preferred when
matching is important, that is, matching between I, and /. B

Wide-Swing, Low-Voltage Current Mirror

A wide-swing current mirror is shown in Fig. 20.26 [7, 8]. Wide swing here means that
the minimum voltage across the current sink is 2AV (AV =0.37 V when V,,,, = 0.83 and

VDD

Ircf
2AV+ Vrun l I,= Iref
+
1w
- M_—S_l M4
Ll M3 AV, l: W
Wle— | S| v,
L
¥ w
L 2 _

Figure 20.26 A high-swing cascode current mirror.
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Vs = 1.2 V). This design is based on the wide-swing current mirror of Fig. 20.6 and is
very useful in practical circuit design. MOSFETs M1 through M4 form a current
mirror and therefore can be used in any of the applications discussed so far. We will see
that current mirrors can be used as active loads for differential pairs and in voltage
references. The minimum voltage across the wide-swing current source is one threshold
voltage drop less than the regular cascode of Fig. 20.5, while the output resistance is the
same, that is, g .. An example of a 10 pA current source based on the example values
given in this chapter is shown in Fig. 20.27. MOSFETs M6 through M11 are added to
supply current to M5. M5 is used to generate the bias voltage on the gates of M3 and
M4 for wide-swing operation. Figure 20.28 shows the simulation results for the circuit
of Fig. 20.27 when the output of the current source is swept from 2.5 to 2.5 V. This
figure should be compared to Fig. Ex20.4.

Note that the body effect has been neglected in this analysis. This will cause
V., and V,, to be larger than predicted by AV + V., . The current sink functions
properly because V; , (of M1 and M2) is smaller than predicted by V¢~ Vi, (see Ch.
5). In several practical situations, for example, using this mirror in a folded-cascode
op-amp, the size of M5 must be made smaller (perhaps (1/5)-W/L).

M10, 70/5 : r——ﬂ: M8, 70/5
{ 380k
MI11,70/5 | Hj": MO, 70/5
- | 10w |t
+

M5, 4/5 | j - t M4, 15/5
1 M6, 15/5
E/B, 15/5 v,

M7, 15/5 :l t M2, 15/5

I—‘MIJS/S -
Requires startup circuit (see Ch. 21) 25V

I

Figure 20.27 A 10 pA wide-swing current sink.
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10.0

8.0 / | Current throngh the 380k resistor

8.0
N
7.0 / , [
6.0 / ‘:
50 !

40 !
-3.0 -2.0 -1.0 0.0 10 20 30

‘ sweep v
—21v Vo
Figure 20.28 Simulation results for the current mirror of Fig. 20.27.
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PROBLEMS
Unless otherwise stated, use CN20 parameters, VDD =5V and VSS=0 V.
20.1 Repeat Ex. 1 using a current of 1 pA anda Vgof 1 V.

20.2 Design a circuit to bias the MOSFET in Fig. P20.2 so that its drain current is
5-pA. Estimate the minimum voltage across M1 if it is to remain in saturation.

Vi ————I 15/5
bias Ml

Figure P20.2
20.3 Determine the current that flows in M3 (Fig. P20.3). Neglect oxide

encroachment and the finite output resistance of the M3.

5V

|

M1 F“ l M2 l
15/5 15/5
M3
45/5

v

380k 380k

Figure P20.3

20.4 Determine the currents that flow in Fig. Ex20.3 if the size of M2 is increased to
30/5. Again, neglect oxide encroachment. Does V., of V., change? Why?

20.5 Determine the AC current that flows in v, in Fig. P20.5. Assume A = 0.06.

SuA J KA large C

= ’

Figure P20.5
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Chapter 20 Current Sources and Sinks 459

20.6 Design a bias circuit so that the current that flows in M1 and M2 of Fig. P20.6 is
1 pA. What are the small-signal resistances looking into the drains of M2 and
M1? What is the minimum voltage across M1 and M2 for operation in the
saturation region?

Vbiaso—| M2, 15/5

Vbigsi—| M1, 15/5

Figure P20.6

20.7 Using a small-signal analysis, verify that Eq. (20.11) is correct.

20.8 Using the circuit topology shown in Fig. P20.8 design current sources with
output currents of 10 and 15 pA. Estimate, using hand calculations, the
minimum voltage across the current sources and the output resistance. Verify
the operation of your design with SPICE. What is the V,, of the 100/5
MOSFETs that source 10 pA of current?

.5
Y

) })_o___%[:mws llO“A ilSuA

Figure P20.8 =

209 Repeat Ex. 20.5 for VSS changing from -2.4 to 2.6 V.

20.10 Verify that the temperature coefficient of the basic current mirror is given by Eq.
(20.19).
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20.11

20.12

20.13

20.14

20.15

Verify that the temperature coefficient of the transconductance parameter is
given by
1 OKP(T) _-15
KP(T) oT T

In order to reduce the power dissipation in current mirrors one might be tempted
to design a circuit with a small diode, connected MOSFET as shown in Fig.
P20.12. The problem with this design is that changes on the drain of M2 can
have a large effect on the gate voltage of M1/M2, ultimately being limited by the
gate-source capacitance of M2. Using SPICE simulations, show how the output
current is affected by an abrupt change across M2 of 1 Vand -1 V.

1pA
M1 Step input
5/5 ‘—‘~—‘| M2

100/5

—25V
Figure P20.12

Lay out the current mirror shown in Fig. P20.13, avoiding oxide encroachment.

M1, }.4___* M2,
15/5 75/5
Figure P20.13

Suppose that a threshold voltage difference of 10 mV exists between the two
MOSFETs used in a current mirror made using equal-size MOSFETs. How
would you expect the difference in the drain currents to change with the
MOSFET V,? Is matching between the currents better or worse with large V?
What happens to the minimum voltage across the current mirror if V is
increased?

Using the Wilson current mirror shown in Fig. P20.15, and the CN20 process,
design a mirror in which I, = 150 pA with I, = 50 pA for VDD =5V, V§§ =0
V. Verify your design with SPICE.
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VDD
M3 }:—« M4

IrEF <« t

M7 I,
Vo

M1 l—_‘_{ M2 M5 | M6
v _

Figure P20.15 vss

20.16 A Wilson current mirror (Fig. P20.15) is designed with VDD = 5V, VSS = 0V,
Lzr = 10 pA and all devices sized 10 u/10p.

a. Calculate the value of the small-signal output resistance of the Wilson current
mirror.

b. Verify part (a) with SPICE.
c. Calculate the minimum output voltage, V (min).

d. Construct a plot showing I versus V (min) for I, varying from 5 pA to 50 pA
in 5 A increments.

e. Use SPICE to generate I, versus V_ curves. How does this compare to the plot
generated in part (d)?

f. Lay out the devices M4 through M7, assuming that each device is 40/5 using
an interditigated layout technique to match devices M5 and M6. Use parallel
devices for M4 and M7.

20.17 Repeat Problem 20.16, parts (a-e), for a cascode current mirror made using 15/5
devices.

20.18 Design a regulated cascode current sink of 1 pA. Estimate the output resistance

_/ of the current sink. Using SPICE similar to Fig. 20.24, show the output current

change with voltage across the current sink.

20.19 The basic idea used in the regulated cascode current sink is shown in Fig.
P20.19. What is the output resistance of this configuration? Show that if the
gain A is g, (r,/2), then the output resistance of the configuration reduces to that
given by Eq. (20.51).

20.20 With respect to the wide-swing current mirror shown in Fig. 20.26, show that,
neglecting the body effect, the drains of M1 and M2 are AV (the excess gate
voltage) when M35 is one-fourth the size of the other MOSFETs.
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)
Vbias2 b —
M4

Vbiasl I M3

S

20.21 The basic current mirror finds extensive use as a load in differential amplifiers.
Consider the schematic of the modified current mirror shown in Fig. P20.21.
This configuration is termed a wide-band configuration since the addition of the
source follower helps improve the ability of M1 to drive the large-input
capacitance of M2. Estimate the small-signal resistance to ground at both nodes
A and B. If a resistor is used to connect node A to VDD, write an equation
relating the drain currents of M1 and M2 to the resistor value.

Figure P20.19

VDD

M1
15/5 M2, 300/5

Figure P20.21
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References

This chapter discusses voltage and current references, and in general how we can use
voltage references to bias the current sources and sinks discussed in the last chapter. A
good reference is insensitive to temperature, process, and supply voltage variations.

21.1 Voltage Dividers

In CMOS integrated circuit design, we can derive reference voltages from the power
supplies using the resistor and the MOSFET. Figure 21.1 shows the basic idea. The
voltage divider formed with two resistors has the advantage of simplicity, temperature
insensitivity (as was shown in Ch. 7), and process insensitivity, that is, changes in the
sheet resistance have no effect on the voltage division. The main problem with this
circuit is that in order to reduce the power dissipation (i.e., the current through the
resistors), the resistors must be made large. Since large resistors require a large area on
the die, this voltage divider may not be practical in many cases. The voltage divider
formed between the resistor and the MOSFET can be recognized as the same circuit we
used for a bias in the current mirror. The final circuit, a voltage divider between an n-
and p-MOSFET, has the advantage that the layout can be small. In the following two
subsections, we analyze the behavior of these last two voltage dividers.

/ vpp VDD VDD
R1 R1 M2
+ + +
R2 Ve ML Vi Ml Vi

Figure 21.1 Implementation of voltage dividers in CMOS.
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21.1.1 The Resistor-MOSFET Divider

The reference voltage used in the resistor-MOSFET divider is equal to the V of the
MOSFET. We know for this circuit that

VDD - Vre
1D=—————’1=El(v,ef—vm)2 21.1)
R 2
or
2(VDD -V,
V= Ve + |22 = vy + | 2YPD—Vig) (21.2)
P R-B1
The sensitivity of the reference voltage to VDD when VDD >> Vs is
Ve _ VDD OVrs 1
S S = . = .
PP Y,e  OVDD 2R, (21.3)
Vran - VDD +2
The temperature coefficient of the resistor-MOSFET voltage divider is given by
1 Ve
C Vre =TT e e 2 .
T ( f) Vref aT ( 1 4)
or with the help of Eq. (20.25) with VS§ =0
1 1/2L1 _VDD  [10R _1.5]
ref) = Vran - TCVry— = | ——- . —== :
TcVrg) v,ef{ N S 2\/ w RkP@D LRor Tl| @Y

A modification of the basic MOSFET divider is shown in Fig. 21.2. The
reference voltage in this circuit is given by

Vref: Ves ('&‘+ 1) (216)
R,

VDD

éR
R1 +
t: M1 Vi
R2

<

Figure 21.2 Modification of the resistor-MOSFET voltage divider.
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21.1.2 The MOSFET-Only Voltage Divider

The MOSFET-only voltage divider shown in Fig. 21.3 generates a reference voltage
equal to the voltage on the gates of the MOSFETs with respect to ground. Since I, =
I,, we can write

P2

%l-(v,ef— VSS = Vriw)? = SH(VDD ~ Vi = Vrr)? 1.7)

or the reference voltage is given by

VDD — VTHP + JE—;? ( VSS + VTHN)
Vier = (21.8)

B
JE+1

or knowing the reference voltage and the power supply voltages gives

VDD — Vo~ Vi |
Bi _ [ / THP} 21.9)
B2 | Vig—VSS~Vran
The sensitivity of V,, with respect to VDD is given by
Svin= VDD (21.10)

VDD — Ve + ‘/-%; ( VSS + VTHN)

The temperature dependence of the MOSFET-only voltage divider, using Eq. (21.8),
and assuming the temperature dependence of the ratio of the transconductance

parameters, % is negligible, is given by

TC(Vref)=—1—-%=—l—- 1 _l:a(*VTHP)+J_%‘;_aVTHN:I 2111

oT oT

From Ch. 9 we know that

———a‘g‘;{” =TCVray - Vray = (-.003°C)(0.8 V) =-2.4 -‘%’— (21.12)
VDD
M2
. )
M

Figure 21.3 MOSFET-only voltage divider used between VDD and VSS.
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and
- -@-‘%fﬁ = ~TCVyy - Vo = ~(=0.003°C1)(0.9V) = 2.7 m—(‘:’ 21.13)
To achieve TC(V,¢) = 0 requires
oVrup B1 Ve mvV _ Bt mV
SO [EL OUIEN o mV_ (B 5y mV .
oT B2 oT =27 °C [32 (21.14)
or

‘/—E =1.125 (21.15)

Zero temperature coefficient, to a first order, can be met by satlsfymg this equation.
However, this ratio is most often set by the desired V,,,

Example 21.1

Design a 3 V reference using the MOSFET-only voltage divider assuming VDD
=+5V and VSS = 0 V. Determine the temperature coefficient of the reference.
Verify your hand calculations with SPICE. Compare the power dissipation
when L, =L, =5 pm with L, = L, = 50 pm.

Since we know that V,,, = 0.8 V and V,,;, = 0.9 V, we can determine the ratio of
B, to B, using Eq. (21.9):

2
B _ [.S_i—_Q_Q_} ~ 025

B, L3-0-0.8
Setting L, =L, = W, =5 um gives
-6 A
KP.WiLs _ (50>< 107 )5u5u 05
KPpW,L4 '

(17 x 10764 )Wzsu

or solving gives W, = 60 um. The temperature coefficient is given by

TC(V,) =5 ’_55_:__ {00274r 1570 65 - 00024)}_ 337 ppm/C
Treo T1

The PSPICE simulation results are shown in Fig. 21.4. The temperature
coefficient of this reference calculated from the figure is approximately 400
ppm/°C. The small difference between PSPICE and our hand calculations can
be attributed to the temperature coefficients of the threshold voltages. The drain
current when L = 5 pum is 125 pA, and the power dissipated by the circuit is 600
uW. When L = 50 pm, the drain current drops to 12.5 pA and the power
dissipation becomes 60 pW. Reducing the power dissipation requires that we
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use larger devices. Using the threshold voltage drop of an additional device in
series with the two of Fig. 21.3 will help with this problem. H

R 3.3V
e
f
e
g actual V¢
n P—
C32v]  ViT)=(3.08) - (1+0.000337(T-27))
v
o
1
t
a
& 3.1V
3.0V T T T
-50 0 50 100 150
a V(Vout) TEMP

Figure 21.4 Temperature characteristics of the voltage divider designed in Ex. 21.1.

A three-MOSFET voltage divider is shown in Fig. 21.5. Two reference voltages
are available in this configuration. The two p-channel MOSFETs are laid out in their
own wells to avoid body effect. Designing voltage dividers in modern processes
requires the designer to look at the maximum gate-source voltage. Generally, the
maximum potential across the gate oxide should be below 7 MV/cm, or 0.7 V/10 A.
Circuits designed with a process that has an oxide thickness of 100 A should limit the

VDD
~d! M3
— M2 J;’ﬂ —
L U
vSs

Figure 21.5 Three-MOSFET voltage divider.
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oxide-source or oxide-substrate potential to 7 V or less. Reliability in many cases can be
related to the maximum voltage or stress across the gate oxide.

The design of this type of divider consists of determining the reference voltages
needed, selecting a drain current through the MOSFETs, and solving for the size of the
devices.

Example 21.2

Design a 2 V and a 3.5 V voltage reference using the three-MOSFET voltage
divider of Fig. 21.5. Assume that VDD = +5 V, V§S = 0 V, the drain current of
the MOSFETs is 10 pA, and that L, = L, = L, = 20 ym. Compare the area
required for layout of this design with the area used in Ex. 21.1 if L = 50 pum.

Since Vi, =2V, we can solve for W, knowing
_ K.Pn . Wl _ 2 . . -
10 A = = ~——-20um(2 0.8)° which gives W; = 5 um

The width of M2 is determined in a similar manner, since Vg, = 1.5V, using

KP, W, 2
= — . —=—(1.5-0. W, =65
10 pA 5 20um(15 0.9)° = W2 =65um

The width of M3, with V,,, = 1.5V, is also 65 pm.

The area of the reference designed in Ex. 21.1 (using the case when L = 50 pm
and drain current is 12.5 pA) can be estimated by

Apo11 =L1Wy + LWy =3250 Ltmz

while the area needed in this example is 2700 pm® In addition, the power
dissipation is slightly lower, 50 pW, when we use a second MOSFET. &

A useful application of the dual-reference voltage divider is shown in Fig. 21.6a.
Here the reference is used to bias the cascode current source. The current through the
reference, that is, the current through M1, M2, and M3, is selected as equal to or a
multiple of the desired current through M4 and M5. Following the discussion of the
last chapter, if it is desirable to design a 10 pA current source, we may set the current
through M1 to 10 pA and the voltage across M1, V, (= Vi), to 1.2 V. The current in
M1 is mirrored in M4. The size of M2 can be set equal to the size of M1, while the size
of M3 is selected to drop VDD — 2.4 V at the bias current. Sometimes the bias voltages
generated by M1 and M2 are simply labeled "Bias" as shown in Fig. 21.6b. A
complicated schematic can be simplified by not showing the bias MOSFETs.

The main drawback of using the references described in this section is that all,
that is, the resistor-resistor, resistor-MOSFET, and MOSFET-only dividers are very
sensitive to the power supply voltages and temperature. The remainder of this chapter
discusses the means of designing voltage references and biasing current sources to
reduce the sensitivity to temperature and the power supplies.
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VDD

—d| M3 il 0 llo
t:MS Bias2

—|_M2
‘:NM Biasl ':M4
[ ™M1
(®)
AN
VSS ()

Figure 21.6 Use of the three-MOSFET voltage divider to bias the cascode current source:
(a) full schematic and (b) simplified schematic.

21.2 Current Source Self-Biasing

The biasing methods presented so far for current sources have been dependent on the
power supply voltages and temperature. Changes in VDD or VSS directly affect the
currents in the circuit. In this section, we discuss three methods of biasing which
reduce the effects of power supply variations and possibly temperature on currents
present in a current source [1, 2].

21.2.1 Threshold Voltage Referenced Self-Biasing

Consider the biasing circuit shown in Fig. 21.7. MOSFETs M3 and M4 force the same
current to flow through M1 and M2. The product of this current and the resistor R is

equal to the gate-source voltage of M1 or, neglecting the output resistance of the
MOSFETs and the body effect,

IR = Vis1 = Vouy + /‘—gl (21.16)
1

If B, is large, the current, /, is given by

Vran
[~ LTEN .
z 21.17)

In practice, the second term in Eq. (21.16) is not negligible, and the current is given by

GS1
=551 )
‘R (21.18)

where practical values of V, are 1.0 to 1.2 V. These equations predict that the current
is independent of the power supply voltages. Indeed, if the output resistance of the
MOSEFET were infinite, this would be the case. However, the current is dependent,
albeit much less than the previous methods discussed, on the supply voltages.
Cascoding M3 and M4 helps to make the bias circuit behave more ideal. The accuracy
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VDD

U
=

VSS

Figure 21.7 Threshold reference self-biasing circuit.

of the current, 7, is limited by the threshold voltage accuracy, which may vary by 20
percent, and the n+ resistivity, value which can vary by 20 percent as well.

The temperature performance of the threshold bias circuit can be determined by
considering Eq. (21.17). The temperature coefficient of the threshold voltage is (from
Ch. 9) approximately —3,000 ppm/°C, while the temperature coefficient of an n+
resistor is (from Ch. 7) 2,000 ppmy/°C. The threshold voltage decreases with increasing
temperature, while the resistance, R, increases with increasing temperature. The result
is a reference current with a large negative temperature coefficient.

The possibility that the current, /, may be zero exists in all self-biased circuits.
(Consider what happens when the gates of M3 and M4 are at VDD and the gate of M2
is at VSS.) Figure 21.8a illustrates this graphically. Point A in this figure is the desired
operating point, while point B corresponds to / = 0. Figure 21.8b shows the reference
with a startup circuit used to avoid operation at point B. If the gate of M2 is at or near
VSS, M5 turns on and pulls this node upward toward point B. Since the circuit is stable
at either point A or B, the gate potential continues increasing until it reaches 2V;. This
causes M5 to turn off. Once the self-biasing circuit is operating at point B, the startup
circuit does not affect the reference operation.

21.2.2 Diode Referenced Self-Biasing

Many biasing circuits use the parasitic pnp transistor formed by the p+ implant (the
emitter), the n-well (the base), and the p-type substrate (collector) available in an n-well
process in conjunction with the CMOS transistors to generate reference currents or
voltages. The layout of the parasitic pnp transistor is shown in Fig. 21.9a with a
cross-sectional view shown in Fig. 21.9b. The base of this parasitic transistor is tied to
the substrate, which in turn is tied to VSS. The transistor is connected as a diode. This
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A Ipi= %(VGSI ~ Vraw)”

| v %
fo \ e i MSE

\ \Point A ‘ — M2
_ Vasi ]
Ip2=—2— j

0
|

3
1L

L

R ‘

—>> M1
Vesi »

Point B ' R

(2

SN 1
Startup circuit - vss

(b)

Figure 21.8 (a) Two possible operating points of self-biased circuit. (b) A startup circuit.

configuration reduces the effective resistance in series with the diode and the leakage to
substrate.

The emitter size of the pnp is of importance in our applications. The minimum
size allowable in the CN20 process is 6 um square, or an area of 36 pm?* (36 x 10" m?).
Notice how the transistor in Fig. 21.9c is specified by the number "1" indicating
minimum size. If we were to specify 8 for the size of the pnp transistor, this would
correspond to an emitter area of 8:36 um? or 288 um?®,

It is important to simulate these parasitic transistors using SPICE. Since the
base will be tied to the emitter, we can use a diode model statement to model the device.
The current through a forward-biased diode is given by

Ig=1I;-eVedrvr (21.19)
where V, is the voltage across the diode and V. is the thermal voltage K7/q or 26 mV at

room temperature (see Ch. 2).

The first parameter of interest in Eq. (21.19) is the scale current, /.. ﬁ; current
can be determined by the BSIM p-channel model parameter, JS, which characterizes the
leakage from the p+ source or drain implant to well. For the minimum-size pnp with
emitter size A, the scale current is given by :

I,=JS-AE=10"2 .36 um? =360x 102 A (21.20)
m
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Collector Emitter Base Collector

VL

p+ [ \n+// \_p+ /

n-well

p-substrate

(b)

1 (Emitter size 6 pm by 6 pum)

©

Figure 21.9 Layout (a) and cross-sectional view (b) of the parasitic pnp transistor
available in an n-well CMOS process and (c) schematic representation
of a minimum-size parasitic pnp, that is, emitter area of 6 pm by 6um.
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which is unrealistically low. The default value of the current density, JS, was used in
the models (this was discussed in greater detail back in Ch. 14), meaning that the
current density was not measured. A more realistic value for the saturation current may
be

;=105 A 21.21)

Without measuring the diode characteristics, we cannot determine . or n (the emission
coefficient). If we assume that n = 1, we can use the following diode model for the pnp
parasitic transistor and get reasonable agreement with experimental results

.MODEL PNPDIOD D(is=1E-15 n=1)

The specifications for the diode connected pnp transistors shown in Fig. 21.10 is

D1 1 5 PNPDIOD
D2 2 5 PNPDIOD 8

where the area factor, A (= 8), scales IS (i.e., the scale current for D2 is A-IS).

Node 1 Node 2
~

Di1,1 Node 5 D2,8

v
r

VSS

Figure 21.10 Diagram of two parasitic pnp transistors and their implementation in SPICE.

A diode-referenced self-biasing circuit is shown in Fig. 21.11. In this figure the
cascode mirrors made with M1 through MS force the same current, /, to flow through
D1 and R. If the voltage across the diode is V,, then the current I (= 1)) is given by

O (21.22)
or solving for the resistor value given a current level / results in
Vr, 1
R=DVry L |
7 In A (21.23)

The main benefit of this circuit over the threshold referenced self-biasing circuit of the;/
previous section is the better matching, from wafer to wafer and on the same die, of the
diode voltage over the threshold voltage. The main problem with this biasing circuit, as
with the threshold reference biasing scheme, is the temperature dependence. The
temperature coefficient of the diode is approximately — 2 mV/°C or — 3,300 ppm/°C for
a diode with 0.6 V forward bias. This, coupled with the positive temperature coefficient
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VDD
i
L _] M8 ||
M7 o A" 4 M9
L_| | M6 |
MS_ D \> — %__ MIO
i I
M3 ] M4
I i l l 1
M1 M2
D1,1
R
Requires
startup VSS

circuit

Figure 21.11 Diode referenced self-biasing circuit.

of the n+ resistor of around 2,000 ppm/°C, causes the biasing circuit to have a negative

temperature coefficient.

21.2.3 Thermal Voltage Referenced Self-Biasing

A thermal voltage, V.., referenced self-biasing circuit is shown in Fig. 21.12. Again, the
cascode connection of M1 through M8 forces the same current through D1 and D2. D2
has an emitter area K times larger than D1. In this configuration, the voltage across D1

must be equal to the voltage across D2 and R, or
Vii=IR+Vp
We know that

i =LVt —5 V. =nVp- 1nli

and

— . deanT — N ..._—I
In=K I - Vpn=nVr an'Is

Solving for R in terms of the reference current I results in

(21.24)

(21.25)

(21.26)
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_ nVr-InK

R I

or [= k10K 21.27)
gR

Notice that the current is proportional to the absolute temperature (PTAT). For K = 8
and »n = 1, the voltage drop across R is only 50 mV. Mismatches in the gate-source
voltages of M1 and M2 can result in large variations in / when using this scheme.
Generally, M1 and M2 are made large for better matching of the IV characteristics. We
should also keep in mind that the resistance value R may change up to 20 percent from
wafer to wafer. If a precise current is needed, some sort of on-die tuning is required.
More often, however, we care more about the relative current levels and temperature
changes on a given die than about the die-to-die relative current levels. ’

VDD
l
_J M8 |

HE—— w

M6 |
9= ‘L_ M10

M7

O

T2 ]
T
T

M3 M4
- ]
I l L I
ML | M2
[
R
D11 D2,K
Requires
startup
circuit VSS

Figure 21.12 Thermal voltage referenced self-biasing circuit.

The main advantage of this current reference is in its temperature
characteristics. The temperature dependence of the current / is given by

TC,__lﬂ_I__..l_M_l. 9R (21.28)

e
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The second term in this equation is simply the TC of the resistor, or approximately
2,000 ppm/°C. The first term in this equation is the TC of the thermal voltage, given by

_19Vr_4 k_ . .
TCy, = Ve ol i 4 =+3,300 ppm/°C or ppm/°’K (21.29)
(T in kelvin) where the change in the thermal voltage with temperature is given by
oVr _k _ o
T g 0.085 mV/°C (21.30)

The temperature coefficient of this reference is on the order of +1,000 ppm/°C. The fact
that both the temperature coefficient of the thermal voltage and the resistor are positive
helps give better temperature characteristics than the diode or threshold voltage
references. Practically, the problem with this reference is the matching of the
MOSFETs and the susceptibility to externally coupled noise across R.

Note how the temperature coefficient is dependent on a given temperature; that
is, we get different temperature coefficients at T = 300 °K and T = 350 °K. This is true
with any temperature coefficient (i.e., 7C is a function of temperature).

Example 21.3
Design a 10 pA current source using the thermal voltage self-biased reference.
Simulate the temperature characteristics of the design.

Referring to Fig. 21.12, if we require that the current I is 10 pA and that the
gate-source voltages are 1.2 V, then the size of the n-channel MOSFETs is 15/5
and the size of the p-channel MOSFETs is 70/5 (see Ex. 20.3). If the emitter
area of the diode D2 is eight times larger than D1, then the resistor value is
given by

R= 26 mV -In8

10 oA =5.4kQ

The PSPICE simulation results are shown in Fig. 21.13. The output current is
taken as the current through M9 and M10, each sized 70/5, in Fig. 21.12. The
netlist is shown below. To aid in convergence of the DC sweep, we used the
.NODESET command to set the high-impedance nodes, nodes 2 and 12, and the
voltage at the top of the resistor to zero volts. The .NODESET line doesn't force
the nodes to zero volts; it just starts the simulation with these initial guesses.
Also, the .OPTIONS statement was used to loosen the tolerances and increase
the DC and bias point iteration limit, ITL1, and the DC/bias point educated
guess iteration limit, ITL2. Notice that the TC of the resistor is specified in the
netlist as 2,000 ppm/°C. B

*** Top Level Netlist ***

D1 73 pnpdiod

D2 83 pnpdiod 8

M1 4473 CMOSNB L=5u W=15u
M2 24113 CMOSNB L=5u W=15u
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M3
M4
M5
M6
M7
M8
M9

1143
9123
19126
99106
121066
101066
131066

M10 149136

R1

811 5.4k

VDD 60 DC25
Vout 140 DCO
VSS 30 DC-2.5
.NODESET V(8)=0 V(2)=0 V(12)=0
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.BSIM
.OPTION RELTOL=0.01 ABSTOL=1n VNTOL=1m ITL1=100 ITL2=100

+ ..
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CMOSPB
CMOSPB
CMOSPB
CMOSPB
CMOSPB
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TC1=0.002
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L=5u W=15u
L=5u W=70u
L=5u W=70u
L=5u W=70u
L=5u W=70u
L=5u W=70u
L=5u W=70u
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.DCVout-11.01 temp-257525
.end
0 10.5uA.
u 75C
t
p 50C
u
£ 10.0ua
C
u 25C
r
r
e
¢ 9.5uA
t
0C
9.0uA
-256C
8.5uA T T T
-1.0v -0.5V ov 0.5V 1.0V
o [(Vout)
Vout

Figure 21.13 Temperature characteristics of the thermal referenced self-biasing circuit of

21.3 Bandgap Voltage References

Vs

Bandgap voltage references combine the positive TC of the thermal voltage with the
negative TC of the diode forward voltage (the bandgap energy, E,, of silicon decreases
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with increasing temperature; refer to Ch. 9) in a circuit to achieve a voltage reference
with a zero TC. Once we have a temperature-independent voltage reference, it is a
simple matter, with the use of an op-amp, to generate multiples of the reference.

21.3.1 Bandgap Referenced Biasing

The circuit shown in Fig. 21.14 is an example of a bandgap reference. The diode D3 is
the same size as D2, while the resistor in series with D3 is L times larger than the
resistor in series with D2. The current 7 in the figure is given by Eq. (21.27), or

_ nVT' InK

I 7 (21.31)
The reference output voltage with respect to VSS is given by
Vig=1-L-R+Vy3 (21.32)
or
Vie=(L-n-InK)Vr+Vg (21.33)

D

(o]

T
M7 {:_J 4’:: M9

d
T
Ms ] v:MG ﬂ"”i M10
T M4 l,I

-
¢——————— Output voltage

[

M3

M1 M2
Requires R LR
startup
circuit
Di1,1 D2, K D3, K
|
VsS

Figure 21.14 A bandgap voltage reference.
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The TC of the bandgap reference is zero when
0.085mV/"C  -2mVI"C

av, V. 0
OVt v nk VT 9V
37 =L-n-Ink 37 T =0 (21.34)
This is true when
——2
L-n-InK= 5085 23.5 (21.35)

For n =1 and K = § the factor L is 11.3 for a zero TC. We will round L up to 12 for the
design here. The reference voltage, with respect to VSS, may also be written as

Vig=(LnInK) - Vr+nVr-In

X1 (21.36)
The reference voltage at 300 °K for I = 10 pA, I, = 10¥A, n=1,K=8,and L= 12 is
1.25V (ie., V,, = 1.25 if VSS = 0 and VDD =5 V). A PSPICE simulation of this
bandgap is shown in Fig. 21.15. The current source designed in Ex. 21.3 was used to
bias a resistor of value 65 k€ and a diode with an area of eight times the minimum size.
Note: To accurately predict the reference voltage, thorough characterization of the
parasitic pnp is required over process and temperature variations.

y 1.20V

Y R

1.18V-

1.16V

1.14v T T T
-50 0 50 100 150
a V(Vref)
TEMP

Figure 21.15 PSPICE simulation results of a bandgap voltage reference.
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21.4 Beta Multiplier Referenced Self-Biasing

A biasing scheme that deserves special mention is the B multiplier reference of Fig.
21.16 [3]. The width of M2 is made K times larger than the width of M1, so that

B2=K-B1, assuming L1 =L, and Wo = K- W (21.37)
and therefore
Ves1 = Ves2 +IR (21.38)
We can write V_; of MOSFETs M1 and M2 in terms of the current / as

Vos: = EZ% + Vv (21.39)
and neglecting the body effect
Vesa = K?IBl + Vray (21.40)

Solving for / using the previous three equations yields

2
I=R22B1 [ —Jl;] (21.41)

This is the basic design equation for this reference. The size parameter K must always
be greater than 1. The temperature coefficient of the current reference is given by

191 _ 5, 10R__ 1 OJKP(T) _ 15

TCI= 151 ==2 X5~ %P T =~ 4,000 ppm/"C + == (21.42)
VDD
)
M3 | M4
jF = I s

i JH——{ex

VSS

Figure 21.16 P multiplier referenced self-biasing (8, = K-B,).
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Example 21.4
Using the P multiplier current reference, design a 10 pA current source.
Estimate the TC of the reference and assume VDD =-VS§=2.5V.

If wesetL, =L, =W, =5 pm and K = 4, then using Eq. (21.41) and solving for
R results in

Rr=——2 1 _ p_316%0

10 pA - 505 4

The TC at 300 °K from Eq. (21.42) is 1,000 ppm/°C. A schematic of the design
is shown in Fig. 21.17. Cascode MOSFETs were used to reduce the effects of
the finite r, of the MOSFETs. &

25V

M9, 70/5

(&)
q

i B!
5/50 | J M8, 70/5 #\{ '::

. M7, 70/5

5/50 ' l
L]

: M6, 70/5
—-I tL M5, 70/5 P T —%‘: M10, 70/5

32 l 10 nA

‘_”: 5 MBS M4, 15/5
j -‘] llOpA

- COMLS5 M2, 20/5
155
: R =31.6k

TC =2,000 ppm/°C

&

1

Startup circuit | —25V

Figure 21.17 A 10 pA reference using a transconductance multiplier self-biased reference.

21.4.1 A Voltage Reference

It is of interest to determine the temperature dependence of V, in Fig. 21.16. If the

reference is designed correctly, we can make the TC of Vg equal to zero. We define
our reference voltage as ’

Vier= Vs (21.43)
Substituting Eq. (21.41) into Eq. (21.38) results in
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Vref = Vgs1 = —2—[1 — '—1—] + Vrun (2144)

RB:\ UK

The change in V

s With temperature is

Vs _dVian 2 1 [ 1dR 1 _OKP (T)}
ar - ar Rpil Tk LRoT T KP(T)” oT (21.45)
or
AVires _ TR R [ . 1_5.}
= 2.4 mV/ C+RBl [1 JE} 2,000 ppm/°C + T (21.46)
At 300 °K Eq. (21.46) is equal to zero when
2 1 |_2,400 _
RBII:I ﬁ(—}_ 3’000-—0.8 (21.47)
Furthermore, if K = 4 we require that
_ 1
R—0.8-B1 (21.48)
and
Vie=0.84+Vmy=1.63V (21.49)

There will be an error in the reference voltage associated with the change in the
threshold voltage due to process variations and body effect as well as changes in R, f3,
and 7. Using p-channel MOSFETs in their own well eliminates errors due to the body
effect. The threshold voltage can vary by as much as 20 percent (this is part of the
reason why the body effect is neglected so often in our hand calculations). Thus,
precision voltages are more difficult to achieve than the bandgap reference of the last
section. Often, voltage references are adjusted on die by laser trimming via metal
options a resistor value. The following example illustrates the design and temperature
performance of a zero TC voltage reference using the B multiplier self-biased reference.

Example 21.5
Design a zero TC voltage  multiplier reference at 300 °K with VSS =0 V and
VDD =5 V. Simulate the design for changing VDD and temperature.

We will use the general cascode schematic of Fig. 21.17 (with the same sizes)
with VDD swept in the simulations and VSS = 0. The resistor for this design is

R=—2— =25k
08504

The simulation results are shown in Fig. 21.18, &
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y 1.80V
r
e -
£ 50C
1.75V4
0C
1.70V4
50C
1.65V 100C
1.60V T y T T T
4.4V 4.6V 4.8V 5.0V 5.2V 5.4V 5.6V
o V(Vref)
VDD

Figure 21.18 Temperature characteristics of the beta multiplier voltage reference.

21.4.2 Operation in the Subthreshold Region

For low-power operation, it may be desirable to operate a current source/sink in the
weak inversion, or subthreshold region. Currents in these circuits can be 100 nA or
less. Consider the value of the resistor needed for /,,, = 100 nA in Eq. (20.4). If VDD —

VS§S>> V,, then the value of R for the simple current mirror is given by
R~ YPD-VSS (21.50)
Ip1

If VDD - V§§S= 5V, then R =50 MEG! Clearly, the basic current mirror with resistor
bias will not be useful in circuits operating in the subthreshold region.

Consider designing the basic  multiplier of Fig. 21.16 so that it operates in the
subthreshold region where the current is given, from Ch. 6, by

I = [exp = IDOVZV' (e(VGS"VT_HN)/(n‘VT)) (21.51)
Following the same procedure as in the case of strong inversion /
Vosi =nVr-In| L& i|+ Vran (21.52)
LIpo- W
and
Vesa=nVr-In “"“L“L-"] + Vran (21.53)
L Ipo- K- W

Solving for the subthreshold current I using Eq. (21.38) and Egs. (21.52) and (21.53),
we get
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n-Vr
R

Note the similarity to the thermal voltage referenced self-biasing circuit. Note also that
this current reference can be used to generate a bandgap voltage reference as was
discussed in Sec. 21.3.1. The following example illustrates the design of a subthreshold
current source.

‘InK (21.54)

Ip=

Example 21.6
Design and simulate a 75 nA current source with VDD =5V and VSS =0.

Using Eq. (21.54) with K = 8§, n = 1, V, = 26 mV @ room temperature
(approximately 27 °C) yields

26mV
= &2 Y, =72
R 75n In8 =720 kQ

We will use the general schematic of Fig. 21.17 with W,, which is now 40 um.

The resulting SPICE simulation of the output current versus voltage at the drain
of M10 is shown in Fig. 21.19. Notice that V_, can get very close to V,,, within
100 mV, before M10 begins to shut off. Also notice that the current is almost
twice what we designed for. This is due to the body effect of M2. Small
variations across R have a large effect on the current. Using the p-channel
MOSFETs version of Fig. 21.16 with each p-channel in its own well eliminates

the body-effect problem. B

160nA

rE o

120n4

80nA

40nA
ov
a [(Vout)

1.0V 2.0V 3.0V 4.0V 5.0V
Vout

Figure 21.19 Simulation results of Ex. 21.6, the design of a subthreshold current source.
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PROBLEMS

21.1 Design a resistor-MOSFET voltage divider, Fig. P21.1, so that the reference
voltage, V, ., is 2 V and the current through the resistor is 10 pA. Verify the
operation of the circuit using SPICE.

+5V

R

+
Ml Vg

Figure P21.1

21.2 Determine the output voltage and temperature coefficient of the voltage
reference in Fig. P21.1 if W/L = 20/5 and R = 400k. Assume that the TC of the
resistor is 10,000 ppm/°C. Compare the hand-calculated 7C of the reference to
SPICE simulations.

21.3 Design a MOSFET-MOSFET voltage divider, Fig. P21.3, so that the reference
voltage, V., is 2 'V and the current through each MOSFET is 10 pA. Verify the
operation of the circuit using SPICE. a2

+5V

M2

M1 Vref

Figure P21.3
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21.4 Determine the output voltage and temperature coefficient of the voltage
reference in Fig. P21.3 if the W/L of both MOSFETs is 20/20. Compare the
hand-calculated T'C of the reference to SPICE simulations.

21.5 Calculate and simulate the sensitivity of the reference described in Problem 4 to
VDD.

21.6  Select the size of M3 in Fig. P21.6 so that 10 pA flows in all MOSFETs in the
circuit. Assume that M5 and M4 are operating in the saturation region.

+5V
— :M3 \L I,
t:Ms
I M2
L
tm
L4 M1

All n-channels are 15/5.
Figure P21.6

21.7 Determine the current [ in Fig. P21.7. Neglect oxide encroachment and assume
that M5 is operating in the saturation region.

VI?D

jM4 M5
M3 F d :i 140/5
el ;

M2

M1
10072

Tl

830k
All unlabeled n-channels are 15/5.

All unlabeled p-channels are 70/5.

Figure P21.7
VSS

21.8 Sketch a startup circuit for the threshold-voltage referenced current source of
Fig. P21.7. Assume the maximum current in the startup circuit is 1 pA.
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21.9 Lay out a parasitic PNP transistor with an emitter size of 2 (emitter size of 12
um by 6 um). What value of IS will be used in the diode model if the area
specified for the diode is 1 (which is the same as not specifying an area for the
diode)?

21.10 Design a 5 pA current source using the diode referenced self-biasing circuit of
Fig. 21.11. Verify the operation of your design using SPICE. (Either include a
startup circuit or use the .NODESET statement to keep the circuit from
operating at point B in Fig. 21.8.)

21.11 Repeat Ex. 21.3 for a 5 pA current source.

21.12 Verify that Eq. (21.36) is correct. How is the resulting reference voltage affected
by using an L = 12 instead of 11.3 (Does the reference voltage increase or
decrease? Why?)

21.13 The main reason for using the cascode MOSFETs, M1 through M10, shown in
Fig. 21.14 is to force the same current through D2 and D3. The main problem
with this configuration is the dependence of the reference voltage on changes in
the power supply. Using an op-amp to force the same currents through D2 and
D3 can improve the sensitivity of the reference voltage to power supply
variations (Fig. P21.13). Knowing the reference voltage is given by

V,-ef= Voo+I-L-R
show that the current that flows in D1 and D2 is

- nVr- InK

1
R

and therefore
Vaz

Vig=(L-n-1nK) Vr + an~1n;’—
N

Determine the conditions under which the T'C of the reference is zero (review
Eq. [21.34]).

21.14 Estimate the power dissipated by the startup circuit shown in Fig. 21.17.

21.15 Using the B multiplier voltage reference, design a voltage reference with a 7C of
+1,000 ppm/°C. Simulate the operation of the reference. Often, in digital
systems, it is desirable to increase the supply voltage used to power the digital
logic with increasing temperature to compensate for the increase in the
MOSFETS' effective resistance and thus the increase in the gate-delay times.

21.16 The B multiplier reference is an example of a circuit that uses positive feedback
(the loop gain is less than one). Discuss methods of ensuring a stable operating
point for the circuit.
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R1 LR R, < LR

VWV

S
R3 <R + +
Vref
D1, K D2,1
A bandgap reference Figure P21.13

21.17 An important consideration in the design of a voltage or current reference is the
design of the startup circuit. Consider the portion of the bandgap reference of
Fig. P21.13 shown in Fig. P21.17a. Using SPICE, plot V,  against V,, (the
noninverting input of the op-amp) and V. (the inverting input of the op-amp).
The result should look similar to Fig. P21.17b. Design a startup circuit for the

bandgap of Fig. P21.13.

Vplus Vi
minus
b Vref 7000 - \\
LR LR / B =
£00.0 vV

Vminus 500.0 /ﬁ \\
R )

Vplus 4000 Stable |
Unstable _(desired)

3000 / \|  positive

feedback
200.0 j A\ |
Stable

100.0

% é g0
0.0 0.5 10 15 20

(a) sweep v ' V,ef
(b) .
Figure P21.17

D1, K D2,1

21.18 Show that if K = 1 and R; #R3, in Fig. P21.13, the output of the bandgap

. R
reference can be written as Vyer= Vo + EanT -In %—
3 2

21.19 Repeat Ex. 21.6 for a 0.1 pA current source.
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22

Amplifiers

Single-stage amplifiers are used in virtually every op-amp design. By replacing a
passive load resistor with a MOSFET transistor (called an active load), significant
amounts of chip area can be saved. An active load can also produce higher values of
resistance when compared with a passive resistor, resulting in higher gains.

Several types of active loads are studied in this chapter. The gate-drain
connected load consists of a MOSFET with the gate and drain shorted and provides
large bandwidths at the cost of reduced gain and low-output impedance. The current
source load amplifier has a higher gain and higher output impedance, but usually at the
expense of producing a lower bandwidth. Current source load amplifiers are preferred
when external feedback is applied to the amplifier to set the gain. The chapter will
explore basic single-stage amplifiers with active loads, as well as the corresponding
tradeoffs associated with each. The cascode amplifier will also be examined in detail
along with several configurations of output stages, including the push-pull amplifier.

\

22.1 Gate-Drain Connected Loads

The four types of gate-drain connected load amplifiers are shown in Fig. 22.1. All four
of these configurations are basic common source voltage amplifiers. In each
configuration, M1 and M2 are assumed to be biased in the saturation region.

22.1.1 Common Source Amplifiers

Examine the AC small-signal circuit shown in Fig. 22.1a. Since many MOSFET
amplifiers will be analyzed here using small-signal analysis, an intuitive approach will
be presented which allows the designer to analyze the circuit very quickly. Begin by
replacing M2 with a resistor of value E'.I,E and replacing M1 with a current source of
value gmi - vin, provided E]"-; << ro1. The equivalent circuit is shown in Fig. 22.2. Note
that there is no body effect in either MOSFET and that only the low-frequency model is
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VDD VDD VDD VDD
t:MZ """-_—4 l:MZ M2 """—cl th
. Yout v Vout Vout b Vou
v"‘——i M1 M1 v”"——{ Ml M1
|
VSS VSS VSS VSS
(a) (b) © @

Figure 22.1 The four active load configurations available in CMOS.

shown. Again, as was seen in Ch. 9, a gate-drain connected MOSFET has a
small-signal resistance of value g—lm-. The small-signal gain of this circuit is given by

1 1

Vou _ "' gm _ _ Em _ _ resistance in the drain _ _ 8ml 22.1)
LI g L resistance in the source ~ &m2 )
Emi 8m1

This result is very important in the intuitive analysis. It states that the small-signal gain
of a common source amplifier is simply the resistance in the drain of M1 divided by the
resistance in the source (the resistance looking into the source of M1 added to any
resistance from the source of M1 to ground).

The intuitive approach results in an approximation for the gain. The actual
value of the resistance in the drain, as will be soon discovered, is g_'ln;”ral [l7,2. In most

cases, however, 7, will be much greater than ;-, and the approximation is an accurate
one.

Figure 22.2 Simplified circuit of Fig. 22.1a.
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Example 22.1
Determine the small-signal AC gain of the circuit shown in Fig. 22.3 using the
intuitive method presented in Eq. (22.1).

VDD
M2
Vout
v”‘———f Ml Ry
R
VSS

Figure 22.3 Amplifier analyzed in Ex. 22.1.

The small-signal gain of this circuit is given by

A, = You _ _ resistance in the drain
' Vin resistance in source

The resistance in the drain is the parallel combination of all resistances
connected to the drain of M1 given by

1 1
Zm ”RL for Yol >> Zm2

The resistance in the source is the sum of the resistance looking into the source)
of M1 and the resistance connected from the source of M1 to ground. For the
present problem, this resistance is given by

Resistance in the drain =

1
Rin the source = "‘—g +R;
ml

The voltage gain is then given by

LR
A, = Em L which for Ry — e and R; — 0 reduces to — S_ﬂ.

L 8m2
Em1 +RS

We can determine the exact gain of the amplifier of Fig. 22.1a using the full
small-signal model shown in Fig. 22.4. Using KCL at the output of the amplifier gives

Vour
EmVin+ “ =-—EgmVour (222)
o217 01
or
1
A, = You _ gml _ gm2”r oillres _ resistance in the drain (22.3)
v — _—— - - . . .
Vin 1 L ce
gm o resistance in the sour
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SZJ:—%

4.
“Vour =Vsg2  guave( ¥ %r 02
Gl - G2 zj Vout
+
Q\D Vin = Vesl g1V, l: %rol
- S1

~

Figure 22.4 Small-signal model of the amplifier shown in Fig. 22.1(a).

For the case when . ~ << o1 | lroz, this reduces to

1

Av=——f?_il"__-2—=—§-'—;—;- (22.4)
gml

which is the same form as Eq. (22.2).

Now consider the frequency response of the common source amplifier of Fig.
22.1a. The high-frequency equivalent circuit is shown in Fig. 22.5, with the MOSFET
capacitances drawn explicitly. A source resistance is added to the circuit to model the
effects of the driving source impedance. Miller's Theorem is used to break C,, into two
parts; a capacitance at the gate of M1 to ground and a capacitance from the drain of M1
to ground. Two RC time constants exist in this circuit, one on the input of the circuit
and one on the output of the circuit. The input time constant, neglecting C,,, is given
by

Tin = Rs(Crr + Cys1) (22.5)

where the Miller capacitance at the input, C,, is
Cwmr=Cea(1 +3 Lt ) (22.6)

When using Miller's Theorem, it should be noted that the capacitance, C

gdl? .
multiplied by the factor (1 — K), where K is the gain, ‘EE

The output time constant is found in a similar way and is given by

Tour =

812 (Cas2+ Cuo + Cap + Carn) (22.7)

The Miller capacitance which appears at the output, C,,,, now becomes
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1 m
Cuo = Caar(1= 1) = Crar (1 +522) (22.8)
The frequency response of this amplifier is given by
&m1
Av(f)= a (22.9)
(1 +ji)(1 +j-fi-)
.fill foul
where
1
fin= T (22.10)
and
__1
Sou= T (22.11)

VD,

D
Cs

— Vout :
ng] Y ’:
R, A= I:'"__I_C
T |
v,y Cg;I-E—-“‘"-' Vs

VSsS

Figure 22.5 Frequency response of the simple common source amplifier with active load.

It should be noted that when using Miller's Theorem, a zero is neglected. For
example, in Fig. 22.6, if the input is assumed to be driven from a voltage source so that
the input parasitics can be ignored, the transfer function becomes,

o= 8m R eq T a o~ .
Vo &mi Lq(1+s/(0p1) (22.12)
where ®,, is a right-hand plane zero of value
_ 8ml
W, = Con (22.13)

and ®,, is the pole at the output of the amplifier of value
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1
RLeq(CLeq + ngl )

where C, = C, + Cy+ Cyp and R, =1, Il 7,1l 1/g,,. The magnitude response of the
right-hand plane zero is usually ignored since 1ts value typically places it well beyond
the pole frequency. However, the phase response can cause problems since a right-hand
plane zero has the same phase as a left-hand plane pole, which could seriously affect
stability when the single-stage amplifier is used within an op-amp. These stability issues

along with the compensation techniques are presented in Ch. 25.

Wp1 = (22.14)

Cear

| o . .
| l
+
Vip = Vgsl égmﬂ)gﬂ RLeq T CLeq Vout

Figure 22.6 Small-signal model used to calculate the RHP zero for
amplifiers in Fig. 22.1a-d.

Example 22.2
Determine the gain and bandwidth of the amplifier shown in Fig. 22.7.
Determine the output voltage when the input voltage is 107sin 27 - 1000z volts.

The drain current that flows in M1, and thus M2, is given by
50 Su

5525 0.8)>=72uA

= E“(V651 Vran)? =

while Vg, is determined by

17u

Ip =72 pA= E—°(Vsoz - Vrp)? = N

15
. SE(Vsc;z -09)?2= Vs =25V

The DC portion of the output voltage is approximately 0 V. The AC gain is

given by
po Bz _gm_ 2P

El,,T Bm2 J2B2Ip

Voltage gains in the neighborhood of 1 are common when using gate-drain
connected loads. At this point it may appear that this amplifier is almost
worthless; however, we will see that when this amplifier is used with additional
circuitry (e.g., a current source load for a differential pair) it can be very useful.
The output voltage when the input is a 1 mV sine wave at 1 kHz is given by
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DC AC component

~ r ~
vour= 0V + 1073sin(2r - 1000z + )

25V

e 2

Vout

100k Vin W _ Su
t’Ml i 51
Vs

—25V

Figure 22.7 Amplifier used in Ex. 22.2.

The bandwidth of the amplifier is calculated by first estimating the
capacitances of the MOSFETs. Assuming the drain diffusion to substrate/well is
2.5 V and the n-channel drain area measures 6 pum by 6 um, while the p-channel
drain area measures 15 um by 6 um, we find that the capacitances are given by <

-4F -12,.2
Coit = CJ-AD + CJSW- PD _1.04><10 - 36 x107“m
“ v Y o \MISW T E
dbl db1 .
(1‘775‘) (l—m) (Hfﬁ)

2.2% 1071524 % 10m

(1 N 2)0,18
0.8

and for the p-channel C,, = 15.4 fF. The other capacitances are calculated from

=5.51fF

Coar = CGDO - W=38x10-0E . spm=1.9 fF

Ces1 = %WLC{n = % : SLLm-Sum-SOOf-Ez- =133 fF
m
Cog2 = %WLszx = % : 15um~5um~800;a;-n% = 48 fF

The input time constant is given by
Tin = 100k-[1.9fF(1 + 1)+ 13.3fF] = 1.7 ns

and the output time constant is given by
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Tou = L (48 fF+ 1.9 fB(1 + 1)+ 5.5 fF + 15.4 F) = 840 ps

HA  15p
J2re A

The input time constant dominates. Therefore, the bandwidth of this amplifier
can be estimated by

1
2 1.7ns

Large bandwidth is the main advantage of the active gate/drain-connected load
amplifier while low gain is the main drawback. &

f3ap=fin = =03.6 MHz

The previous discussion was centered around common source voltage amplifiers.
Consider the circuit shown in Fig. 22.8. This amplifier can be thought of as a
transimpedance amplifier, that is, voltage out and current in. The input impedance of
this amplifier is given by

Rin= s (22.15)

The input current, i, , is determined by

in?

Lin = gm3Vin = §m3Vgs3 = &m3Vgs1 (22.16)

The current through M1, and thus M2, is given by

ia=gmVin =52 i (22.17)
This equation can be rewritten as

ia  B1_ Wils

LIRS L RFRAS LN 22.18

iin B3 Wily ( )

VDD

E l:MZ
iin
Vin ! _ | t‘MI
L{H’W VSS
VSS

Figure 22.8 An implementation of the transimpedance amplifier.

Vour
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That is, we can get a current gain simply by adjusting the size of M1 and M3. The
transresistance gain of this configuration is given by

.1
Vout ldgmz W1L3
Ap =224 — _ = 2.1
R ST WL T g Wl (22.19)
Yy,

Adding M3 and thus the resistor of value ETI,E to ground lowers the input time constant
and thus increases the bandwidth of the amplifier.

Before we proceed any further, let's review, or again verify, how to determine the
small-signal, low-frequency resistances looking into the drain and source of a
MOSFET. Using this information will greatly aid in our intuitive analysis of CMOS
circuits. Consider the test circuit shown in Fig. 22.9. Here the DC voltages ensure that
the MOSFET is operating in the saturation region. We are concerned with the AC
current that flows through v,. This test voltage divided by i, gives us the small-signal
AC resistance looking into the drain of the MOSFET. In other words, this is the
resistance connected to ground at the drain node.

= G D
d P A
vy é + EmVes id
Ves o Vi
Vos R Vbs S R

Figure 22.9 Circuit used to determine the resistance looking into the drain of 2 MOSFET.

Neglecting the body effect, we may write, the test voltage as
Vi=(ld—8gmVgs)To +iaR (22.20)
where
Ves == 1aR (22.21)
The resistance looking into the drain of the MOSFET is then given by
R,=rq= ;’—; = (1+gmR)ro+R = (1+gmR)ro (22.22)

keeping in mind that r, = X]l;
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Example 22.3
Repeat Ex. 22.1 without neglecting the loading effects of the output resistances
of M1 and M2. Use the circuit shown in Fig. 22.3.

The resistance looking into the drain of M2 is ;‘m;llr,,z, while the resistance
looking into the drain of M1 is r,1(1 +gmR;s). The exact gain of the circuit is
simply

-g-,lr-'z-l 762l |[ro1(1 +gm1Rs)]”RL

v
Ay=Sot=- 1
! Rs+gm
or when ro1llrp2 >> El-; this reduces to
m.
1

_ E,:{“RL

v= 1

Rs+m

The resistance looking into the source of the MOSFET can be found using the
circuit shown in Fig. 22.10. Neglecting the body effect and output resistance of the
MOSEFET gives

Vin = Vgs + [4R (22.23)
Since gmVgs = 4, this equation can be written as
Vin= 2L+ igR =iy 2=+ R] (22.24)

We can look at this in a simplified manner; that is, -{-ﬂ- is the resistance looking into the
source of a MOSFET, while R is the resistance connected from the source of the
MOSFET to ground. Note that R can be the parallel combination of several resistances.

Vin
+
Ve Vs
Vs idl R

Figure 22.10 Circuit used to determine the resistance looking into the source of a MOSFET.

22.1.2 The Source Follower

Source-follower configurations using active loads are shown in Fig. 22.11. The
MOSFET M2 sources current, while M1 sinks current. A source follower implemented
in CMOS has an asymmetric drive capability; that is, the ability of the follower to
source current is not equal to the ability to sink current for a given bias condition and
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VDD VDD
D S
= G |H
"M——i M2 M2
S D
9 Vout l Vout
'D S
- . G |
G[{ M1 Vm‘——% M1
S D
VSS VSS

Figure 22.11 Source followers using active loads.

AC input signal. Also, in both configurations, the common drain amplifier exhibits the
body effect. Before we analyze the small-signal behavior of this amplifier, let's
determine how the body effect comes into play. From Ch. 9

gmb=&m M (22.25)
where, using the BSIM SPICE parameters,
n=—-=Xl___ g (22.26)

2,/ PHI+ Vgp

From this equation we can see that the larger the source-substrate potential of the
MOSFET, the smaller g .

Example 22.4
Determine | for the NMOS source follower shown above when the source of M1
is at 0 V potential and VSS = — 2.5 V using CN20 parameters.

If we use Eq. (22.26) we get
K2=—2LB __ _ 0315=0.098

K1
nN=—FF————-
2JPHI+ Vg 240.75+2.5

Therefore, the body transconductance, g,,, is approximately 10 percent of the
forward transconductance, g,. The assumption that the transconductance from
the body effect, g,,, is negligible is valid for large V,. &

The small-signal gain of the NMOS source follower shown in Fig. 22.11 is
simply determined by a voltage divider between the resistance looking into the source of
M2 with the resistance of the gate-drain connected load, M1. The output voltage is
given by

1

Vou = Vin - 22~ (22.27)
+ 5

Emt

or the gain of the source follower with an active load, remembering gm = /2B1/p , is
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L
Ay=You B 1 __ 1 (22.28)

Vin 1 1 81 Wi
e e 1+~ WiLs
Eml Em2 Em2 1 + W_—-ng
The output resistance of the source follower shown in this figure is
1 1

Rouz=% 73

(22.29)

Again, it should be noted that M2 can only source current, while M1 can only sink
current and the gain is always less than one.
22.1.3 Common Gate Amplifiers

The common gate amplifier with active load is shown in Fig. 22.12. The input
resistance of this amplifier is simply the resistance looking into the source of M1, or

Ry = -t (22.30)

:‘é—,—n-i-

The gain of this amplifier, again neglecting the body effect, is

. 1 . 1 1
A, = Your _ “ld g _ Tld ga _ resistance in the drain _ Zm (22.31)
| 2 . - - b . « e .
Vin Vest  _j,.-L resistance in the source L
Emi Emi1
or

_8m _ |KPy, Wik,

AV— b
gm2 {KP, Wal

(22.32)

which is the same form as the gain for the common source amplifier with active load.

VDD

M2
Vin
M1
LJ | o

-1 1
A Ves +$

Vout

Figure 22.12 The common gate amplifier.

22.2 Current Source Loads

The current source load provides an amplifier with the largest possible load resistance
available in a CMOS process. This section examines single-stage amplifier
configurations utilizing current sources (or sinks) as loads.
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5V

M3, 70/5 :“7—-————4: M2, 70/5
10pA (Y ;
bedd o
! —‘ M1, 15/5  —
+ | —
v Ve

_\J;V

Figure 22.13 Common source amplifier with current source load.

Consider the common source amplifier with current source load shown in Fig.
22.13. The MOSFET M1 is the common source component of the amplifier, while the
MOSFET M2 is the current source load. The DC transfer characteristics are shown in
Fig. 22.14 for this amplifier. The slope of the line when both transistors are saturated
corresponds to the small-signal gain of the amplifier. If we bias M1 and M2 so that
they are both saturated, we see that the DC output voltage of the amplifier is very
dependent on the DC biasing at the input of the amplifier. This is a common problem
in CMOS analog integrated circuit design, that is, determining the exact voltage on the
drains of two-series connected p- and n-channel MOSFETs. Feedback is normally
employed to set the output voltage of the amplifier at some known value. This results in

5.0V
M1 off
Vo
Both M1 and M2 saturated
M2 off
ov. : T ’ .
1.0V 1.2V 1.4V 1.6V 1.8V 2.0V
o V(Vout)

Vin

Figure 22.14 DC transfer characteristics for the amplifier shown in Fig. 22.11.
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502 Part III CMOS Analog Circuits

a DC voltage on the input of the amplifier. A common feedback scheme used to bias
the single-stage amplifier is to AC couple the input signal to the gate of M1 and to take
the output signal from the drain of M2/M1. A large resistor is then placed between the
output and the input. When the basic amplifier is designed properly, this forces M1 and
M2 into the saturation region.

The resistance looking into the drain of M2 is simply the output resistance given
by re2 = 1/AMp=1/(0.6-10 pA)=1.667 MQ . This is in parallel with the resistance
looking into the drain of M1, which is also 1.667 MQ, assuming both As are 0.06 V',
If we follow the intuitive method discussed in the last section, the voltage gain of a
common source amplifier is the total paralle] resistance at the drain of M1 divided by
the resistance in the source of M1, or

vo __rallrg _ _ gm (22.33)

AV': -2 =
Vi L 8ol + 802
Eml

It is of interest to determine how the DC bias current affects the small-signal gain.
Making the appropriate substitutions into Eq. 22.33 we get

—J2B1Ip -J2B1

= Ip(A1 +2A2) N M1 +A2) - ﬁ;

This equation shows that the lower the bias drain current, the larger the gain. Figure
22.15 shows the voltage gain of this configuration (Fig. 22.13) plotted against the drain
bias current. The gain levels off below about 0.1 uA because the MOSFETs enter the
subthreshold region where both the transconductance and output resistance of the
MOSFET are linearly dependent on the drain current (see Chs. 6 and 9).

(22.34)

v

Ay
A
Subthreshold region

1,000+ <
100 -\
10 +

} ‘ : | | >
10nA 0.1pA  1pA  10pA  100pA

Figure 22.15 Voltage gain of common source amplifier with current source
load plotted against biasing current.

The gain of the amplifier can be increased by using a cascode current load in
place of M2. The resistance looking into the drain of the cascode current source/load is
much larger than the output resistance of M1. This situation is sometimes referred to as
the open circuit gain of a common source amplifier. The open circuit gain of M1 can be
written as
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ol VZB]ID

Av:.-—-———-:—— m - .
ZmiTol oM (22.35)

.
&ml

which increases the gain by a factor of two over the circuit of Fig. 22.13.

The frequency performance of the current source load amplifier is poorer than
the gate-drain connected load amplifiers of the last section. Referring to Fig. 21.13, the
drain of M1 and M2 is termed a high-impedance node, that is, a node with only drain
connections. The effective resistance at this node to ground is r,,llr,. A node connected
to the source of a MOSFET or a MOSFET with its drain and gate connected is termed a
low-impedance node. The small-signal resistance looking into the source of a MOSFET
and the small-signal resistance of the diode connected MOSFET are both 1/g, .

Example 22.5
Estimate the bandwidth of the amplifier shown in Fig. 22.13.

We begin by redrawing this schematic with the relevant capacitances included as
shown in Fig. 22.16. We assume that the gate of M2 is connected to AC ground
because of the low small-signal resistance of M3.

M2, 70/5

ST T

Cya
Ceal] I

v ] L

M1, 15/5

Vour

Figure 22.16 Fig. 22.13 with capacitances included.

The gain of the amplifier is

Ay==gm(rallren)=- Hz-so%%- -1-5§ 10 uA} - (833k) =—46 V/V

The MOSFET capacitances are now calculated. The gate-drain capacitance of
the p-channel MOSFET M2 is given by

Cair = CGDO - Wy =5x10"°L .70 um = 35 1F
while the gate-drain capacitance of M1 is

Coar = CGDO- Wy =3.8x107°E . 15um =57 fF
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To calculate the worst-case depletion capacitances of the drain implants, we can
assume zero potential across the junction and areas of 6 um by the width of the
MOSFET. The depletion capacitances are then given by

Area of drain
y F
Capt = CJ-6 pm - Wi=1.0x 107 - 6 um-15 pm = 9 fF
and
Can=3.25%10"*-6 wm-70 pm = 137 {F

Note that because the gain is much higher than the gate-drain connected
amplifier, the Miller capacitance that appears at the output, C,,,, is,

1
Cwmo = Cen1 (1 +Z'g) = Cgat

and the output time constant becomes
Touwr = (Fotl1r62) - (Cgaz + Cgar + Capt + Capp) = 833k - 187 fF = 155.8 ns

and the 3 dB frequency of this amplifier is given by

fout =

1 _
TR 1 MHz

a significantly lower bandwidth than the amplifier of Ex. 22.2 with a
correspondingly higher gain.

If this amplifier was driven from an identical stage with output resistance,
R, = r,lIr,, and capacitance, C,,, which is

out?

Cour = (Cgar + Cga1 + Cap1 + Capp) = 187 fF
then the input time constant is given by
| Tin = Rour : [Cgsl + (1 + lAvl)ngl + Cour]

where

cgﬂ.—.%'c{,x~wl-L1=40tF
and

Miller capacitance
——h—

Tin = 866k - | 40 fF + (1+46)5.7 fF + 187fF | =429 ns

The input time constant is increased by the Miller effect across the gate-drain
capacitance of M1 and the output capacitance of the driving circuit. The
methods available to minimize the effect of the Miller capacitance will be
explained in the section discussing the cascode connection. ®
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VDD
VDD VDD
Vin___ M M1
I ] :
. Vour R Bias ——({ M1
S M2
vin W l I hd vOut
| 1" I
VSS
(a) (b)

Figure 22.17 (a) Source follower and (b) common gate amplifier.

The source-follower configuration using a current source load is shown in Fig.
22.17a. Neglecting the body effect, we see that the voltage gain of the configuration is
given by a voltage divider between the resistance looking into the source of M2 and the

resistance looking into the drain of M1, or
Av_:_V_o._: Yo2 Emilo2

v 1 -
' roz-{*—m 1+gm1r02

(22.36)

The output resistance is the parallel combination of the resistance looking into the
source of M2 and the resistance looking into the drain of M1, or

Ro = §',];n-2—||r02

The common gate configuration using a current source load is shown in Fig. 22.17b.
The resistance looking into the drain of M1 is r,; while the resistance looking into the
drain of M2 is re(l+gmR;). The resistance in the source of M2 is Rs+§',1;;2'.

(22.37)

Therefore, the gain of the common gate configuration using a current source load is

4. raillra(1 +gnaRs))]
’ Ro+7=

(22.38)

It is important to realize that there are current sourcing/sinking limitations with
current source loads. For example, the maximum current the source follower above can
sink is the constant current supplied by M2. When the source follower is sourcing
current to a load, it must also supply current to M2.

The amplifiers we have discussed so far in this chapter are class A amplifiers;
that is, they conduct current over the entire range or cycle of a sinusoidal input signal.
Class B amplifiers conduct over half of the cycle, while class AB amplifiers conduct
over a range slightly greater than half a cycle. Most often in analog CMOS circuit
design we are concerned with class A or AB amplifiers. Class B amplifiers are most
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often used for the generation of pulses. Usually we make no distinction between the
"class" of an amplifier unless we are concerned with power dissipation. Output stages,
the stages in a circuit used to drive an external load, are usually where the designer is
interested in power dissipation and distortion (a term used to describe how well an
amplifier reproduces a scaled version of the input signal). The source-follower circuit
of Fig. 22.17(a) is an example of a class A output stage utilized in an op-amp design.

The power conversion efficiency of an amplifier is defined by

Load power, P,

% efficiency = Supply power, P %100 % (22.39)
If the source-follower above is driving a resistor, R, , with an rms voltage v_, then
P = -(Xﬁi—)i (22.40)
The power supplied to the amplifier can be specified by
Ps; =1(VDD - VSYS) (22.41)

If VDD = — VS§S and the output voltage can swing up to VDD and down to VSS, then the
maximum efficiency of the class amplifier occurs when

vour = Y22 _ IR, (22.42)

2
The maximum conversion efficiency of the class A amplifier is 25 percent.
22.2.1 The Cascode Connection

The basic cascode amplifier is shown in Fig. 22.18a. This amplifier has two advantages
over the basic common source amplifier with current source load discussed previously;
the gain is greater due to the large output resistance, and the absence of the Miller
capacitance keeps the input time constant from becoming long. Biasing of the cascode
amplifier will be discussed in Ch. 24 in conjunction with diff-amp design.

The small-signal model for the basic amplifier is seen in Fig. 22.18b. The gain
from v,, to the drain of M1, v,,, can be found by
— iy (Pl
Ay = _%11_ _ Zte (Finallro1) (22.43)

. 1
La- Km1

where r,,, is the small-signal resistance seen looking into the source of M2. Since the
drain of M2 is not on AC ground, it cannot be assumed that r, , = 1/g_,. If a test source

is applied as seen in Fig. 22.19, the following equations may be written:

Vo —V Ve—V
T—t) = gmavi—gmavi + == (22.44)

ir= _(gm2Vgs?. — &mb2Vsh2 +
Vo =1tlo3 (22.45)

Therefore, r,,, is
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LS

Vees —© M3
Vour Drain of M2 and M3

T

Voo —L_ M2

Vai Drain of M1 and source of M2

|

Vin = M1

—

VSS
(a)

?
. I ;
gm2Vgs2 Emb2Vspy > To2 To3 Vo r

+ T =

Vin EmiVin For  vg Vegs2 = ~Vsb2
— - k
(b)

Figure 22.18 (a) Cascode amplifier and (b) small-signal model.

8m2Vgs2 8 mb2Vsh2 Fo2 ro3 Vo

itT \4i

Figure 22.19 Small-signal model used for finding the impedance looking into
the source of M2.
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1 328 :03
Fingg = ot = 2 g1 ~(1+12) (22.46)
I gmtgmetis &M

and the gain, A ,, becomes,

vl?
v 1 r Eml 4
A= 2w g (14 22 Yl | =14 22) (2247)

The gain of the common gate stage, M2, with current source load M1 is
R into drain of M2

et
”.'01+mo 1+m “0
“ld.ng( l’02 (1+?;;
The overall gain is the product of A, and A, given by
Ay=Ay -Ap =~ gml - [(7’02(1 +8m2rol))”ro3] =—8mlro3 (2249)

which is not much of a gain improvement over the basic current source amplifier. The
output resistance of M3 limits the gain. Figure 22.20 shows a configuration for
increasing the resistance looking into the drain of M3. The MOSFETs M3 and M4
form a cascode current source load. The output resistance is the parallel combination of
the resistance looking into the drain of M3 with the resistance looking into the drain of
M2. This parallel combination can be written as

= [roa(1 + gmaro)) N [ros(1 + gm3ros)] (22.50)
and the gain is

Av:"‘gml ‘R, (2251)

VDD

Bias3 —q M4

]

Bias2 —q M3

Vour

Biasl — M2

Vin

M1l

VSS

Figure 22.20 Dual cascode amplifier.
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The frequency response of the cascode illustrates another advantage of the
configuration. Assume that the cascode amplifier is being driven by a circuit with an
output resistance and capacitance, R;, and C,,, respectively. Applying Miller's Theorem
to the circuit shown in Fig. 22.18a, the high-frequency small-signal model for the
cascode can be seen in Fig. 22.21. Note that the capacitance C, and C, represent the
lumped capacitance to ground at those nodes whose values are

Co2=Cra1 +Cppp + Cygsp +Cguy (1 +-B-1—1—|') (22.52)

C3=Corr +Crun+Cpas + Cos + C, (22.53)

where C, is the capacitance of any load attached to the output. The input capacitance,
C,, becomes

C1= Cgs1 + Cr1+ Coar (1 +|As1]) = Cygs1 + Crt +ng1[1 +-§-%(l +%§-)] (22.54)

Notice that the Miller capacitance that appears at the input is much smaller compared to
the simple common source amplifier with a current source load case. This is simply
because the gain, v, /v, is very small. Therefore, the Miller capacitance no longer
dominates the time constant associated with the input. The time constants become

Tin=Rr1-(CL1 +Ch) (22.55)
Tour =703 C3 (2256)
and the time constant associated with node A is
- L To3
Ta= [ 7 (1 +72 )Ilrol} . Ca (22.57)

Note that the input time constant, T», and the output time constant, Tox, are roughly the
same order of magnitude assuming that the cascode is driving another stage with an
input capacitance of the same order of magnitude. The time constant associated with

+

8m2Ves2 Emb2Ves2 & To2 703 Cs v,

A = -

Vin == C Yo1 Cr V2=V
EmiVin T v
+

Figure 22.21 High-frequency equivalent circuit for the cascode amplifier.
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node A, T4, will be somewhat negligible since it has such a low impedance to ground
and contributes little to the overall frequency response.

One drawback to using the cascode connection is the reduction in output voltage
swing. Since there are more transistors in the circuit, more of the supply voltages will
be required to keep the devices in saturation. Again, referring to Fig. 22.18a, the
maximum output voltage that will keep all the devices in saturation will be limited by
the point at which M2 becomes nonsaturated. This occurs when

Ves2 — Vrane = Vpsz (22.58)
or when
Vomin) = Voo2 — Vrane (22.59)

One might wonder why M2 will become nonsaturated before M1. Since the impedance
at the output node is much greater than the impedance of node v, the voltage at the
output will be decreasing at a much faster rate than the voltage at node v,. This is
equivalent to saying that since the gain from the input to the output is much greater
than the gain from the input to node v, , as the input voltage rises, the voltage, v , will
decrease faster than the voltage at v, .

The maximum positive voltage that can appear at the output of the cascode while
maintaining all transistors in saturation will be limited by the point at which M3
becomes nonsaturated. Applying the same reasoning as before, we find that the
maximum positive output voltage occurs when

vsG = Vraps = vsp (22.60)
or

vo(max) = Vo3 + Vras (22.61)
So the values of the bias voltages become very critical when considering output swing.
22.2.2 The Push-Pull Amplifier

The push-pull amplifier shown in Fig. 22.22 is the inverter discussed in Ch. 11
operating with both M1 and M2 in the saturation region. This configuration, when
designed properly, can sink and source equal amounts of current. Both M1 and M2 act
as common source amplifiers. The effective resistance at the drains of these transistors
to AC ground is the parallel combination of each MOSFET's output resistance. The
resistance in the sources of M1 and M2 is the parallel combination of the resistance
seen looking into the source of M1 and M2. The gain of this configuration is then

Av=w=_ (gml +gm2) '(rol”ro?.) (2262)

A
ld | e Nem

The push-pull amplifier is popular as an output amplifier because of equal
source and sink capability and the ability to pull the output to VDD or VSS. Figure
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VDD

e

Vin [

Vout
i

Vs§

Figure 22.22 The push-pull amplifier.

22.23 shows a configuration that sets the gain of the amplifier to unity. The push-pull
configuration is used as a buffer in this schematic; that is, it provides current drive
capability. Error amplifiers are used to sense and compare the output voltage and then
adjust the gate drive of M1 and M2. Another benefit of this arrangement is that the
output resistance of the amplifier is reduced. This is desirable when the amplifier is
used as a buffer in op-amp applications. In practice, this configuration has several
practical problems, for example, design of the error amplifiers for maximum power
conversion efficiency, stability, and crossover distortion when operated class B.

VDD
g
v+
4
Vin _I_ Vout
/ ‘ot Cr R:

Error —™>

amplifiers
o
[ANY

Figure 22.23 Using the push-pull amplifier as a unity gain buffer.
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22.3 Noise and Distortion in Amplifiers
Noise

Let's consider the noise performance of the common source amplifier with the current
source load shown in Fig. 22.13 and in simplified form in Fig. 22.24a. In our noise
analysis, we will neglect the noise contributions of the devices connected to the gate of
M2. Figure 22.24b shows the circuit with the noise sources added. Following the
procedure of Ch. 7 with the noise models of Ch. 9, the sum of each mean squared
contribution is equal to the mean squared output noise given by

2 1 %) 2 2 2
Vr= (rol Hra?,”]wc )2 . (l 1f1 + ll/f,Z + ltherm,l + ltherm,z) (22.63)
t

where C, is the sum of the capacitances in parallel with r,; and r,,. The RMS output
noise over a given bandwidth is

[z =[ j}f; V2. df]m (22.64)

For low frequencies the gain of this amplifier is —gm - (ro1”r02), so the squared
magnitude of the transfer function is

(&m(ro1 “roz))2

|H(jo)|* = e — (22.65)
[1+(f—';) ][1—*—(};"") }
while the RMS input noise is
- 12
NI N L
Vino = !:jfL lH(]'(D)‘Z df:| (22.66)
VDD VDD
M2, 70/5, -
N L
as 1as . .
1 ‘({ M2, 705 : -4—1 1/ l%/f,z Jlfhermﬂ
Vout

M1, 15/5
i i2
Vin —{ M1, 15/5 v,-,l._{ 1 { Fiherm1

I

(@ (®

<]_J_J

Figure 22.24 (a) Common source amplifier with current source load and
(b) with noise sources included.
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Distortion

Consider how well this amplifier, Fig. 22.24a, produces a scaled version of the input on
its output. Ideally, the output of the amplifier is related to the input by a constant A ,
the voltage gain. The gain for this amplifier is given by

4| = gm(ratllrez) = J2B1lUp +ia) - 1 28, (22.67)

2K(ID+i‘1) - 2?\,1/1D+id

Normally, the AC component of the drain current, i,, is assumed to be much less than
the DC component of the drain current, /,,, and the amplifier gain is essentially constant
(small-signal aproximation). If the AC component is comparable to the DC component,
noticeable distortion results. The voltage gain for large inputs is dependent on the input
signal amplitude.

Characterizing an amplifier begins by applying a pure single-tone sinusoid of
the form

Vin(t) = Vsin ot (22.68)

to the input of the amplifier. The output of the amplifier is a series of tones at an
integer multiple of the input tone given by

Vour(t) = a1 Vpsin (0f) + a2 Vpsin Q) + - - - +a,Vpsin(nwr)  (22.69)

The magnitude of the fundamental or wanted signal is a,V,. Ideally, a, through a, are
zero, and the amplifier is free of distortion. The n™ term harmonic distortion is given by

HD,,=Z—'1‘-, forn> 1 (22.70)
The total harmonic distortion (THD) is given by
2 2 2 2
+ai+ai+ - -+
THD= J“Z ERahs n (22.71)
ay

Output buffers, amplifiers used to drive a large load capacitance or low
resistance, are examples of amplifiers where low THD is important. If the output
amplifier is biased so that the DC component of the drain current is large compared to
the transient or time-varying current, the buffer dissipates too much power for most
applications. Therefore, in almost all situations, the biasing current in an output buffer
is comparable, or even smaller for class B operation than the time-varying current. We
reduce the distortion by employing feedback around the amplifier (see Ch. 23). If the
open-loop gain of an op-amp varies from 1,000 to 10,000 depending on the amplitude of
the input signal, then the feedback around the amplifier reduces the gain sensitivity. In
fact, it is nearly impossible to design a linear output amplifier with low distortion
without the use of feedback.
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Modeling Distortion with SPICE

SPICE can be used to simulate distortion using a transient analysis and the .FOUR
(Fourier) statement [5]. The general form of this statement is .FOUR FREQ OV1 <OV2
OVI . .. where FREQ is the frequency of the fundamental and OV1 . . . are the outputs
of the circuit (the voltage or current outputs for which SPICE will calculate distortion).
As a simple example, consider the circuit and netlist shown in Fig. 22.25. The input
sine wave must have at least one full period for the .FOUR statement to calculate
distortion. If more than one period is used, SPICE will use the output over the last full
period. Also, the maximum transient step size should be less than the period of the
input divide by 100. For the example of Fig. 22.25 with a 1 kHz input (a period of 1
ms), the maximum print size should be 10 ps.

*** Top Level Netlist ***

four 1k V(1)

v 500k R1 10 500k

1 kHz V1iI10DCOACOOSINO11khz 00)
.fran 10u 2m 0 10u
.end

Figure 22.25 Simple circuit to demonstrate the use of the .FOUR statement.

The resulting simulation output is as follows.

Fourier analysis for v(1):
No. Harmonics: 10, THD: 3.17012e-006 %, Gridsize: 200, Interpolation Degree: 1

Harmonic Frequency Magnitude Phase Norm. Mag Norm. Phase
0 0 -5.602¢-009 0O 0 0

1 1000 0.999632 -9e-6 1 0

2 2000 1.1203%e-008 -86.4 1.12e-8 -86.4
3 3000 1.12039e-008 -84.6 1.12e-8 -84.6
4 4000 1.12039e-008 -82.8 1.12e-8 -82.8
5 5000 1.12039e-008 -81 1.12e-8 -81

6 6000 1.1203%e-008 -79.2 1.12e-8 -79.2
7 7000 1.12039e-008 -77.4 1.12e-8 -77.4
8 8000 1.1203%e-008 -75.6 1.12e-8 -75.6
9 9000 1.12039e-008 -73.8 1.12e-8 -73.8

Notice that, as we would expect, this circuit's output doesn't show any harmonic
distortion. SPICE calculates the magnitude and phase of the first nine harmonics and
DC. Also note that SPICE automatically calculates the THD for a circuit.

As a more practical example, consider the push-pull amplifier shown in Fig.
26.26. This circuit is biased so that the DC voltage on the gates of the MOSFET: is the
same as the DC voltage on the drains (both MOSFETS are in saturation). The 100kQ
resistor simulates the effects of a load (and keeps the output coupling capacitor from
floating).
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*** Top Level Netlist ***
four 1IMEG V(4)
C1531u
C2411u
M11500CMOSNB L=10u W=10u
M2 156 6 CMOSPB L=10u W=30u
R1151MEG
R2 04 1MEG
100k V130DCOAC OO0 SIN(O 10m 1TMEG 0 0)
VDD60ODC5ACOO0
(SPICE MOSFET models not shown)
%7 Aran 10n 1u 0 10n
.end

VDD

Figure 22.26 Determining distortion in a push-pull amplifier.

The calculated THD will be a strong function of the input signal amplitude.
Let's begin by simulating the circuit with a 10 mV input signal. The resulting SPICE
output gives a THD of 0.18 percent. If the input amplitude is increased to 100 mV, the
THD becomes 1.6 percent.

22.3.1 Modeling Amplifier Noise

Figure 22.27 shows how the input and output RMS noise sources are added to a
noiseless amplifier. The signal to noise ratio (SNR) of an amplifier is defined by
2

SNR; = 101og V2 (22.72)
vino
where v, ? is the square of the RMS input signal and
2
SNR e = 1010g K_"—z__-’- (22.73)
v0ﬂ

for the SNR on the output of the amplifier. The SNR is used to compare signal levels to
amplifier noise levels. A SNR of 0 dB means that the squared RMS input (or output)
signal is equal to the mean squared noise present on the input (or output) of an
amplifier.

Vin Noiseless Vout Vin
amp

Noiseless Vout
amp

Figure 22.27 Addition of RMS noise voltages to the input or output of an amplifier.

Now consider the practical situation shown in Fig. 22.28 of the amplifier being
driven by a voltage source with a source resistance R,. The source resistance generates
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Vin
JAKTR;

Figure 22.28 Determination of the noise figure of an amplifier.

thermal noise with a mean squared amplitude of 4kTR. We can define the noise figure
(NF) of an amplifier as the ratio of the output of a noisy amplifier with the source
resistor connected over the output of a noise-free amplifier with the noisy source resistor
connected. This can be written as

2

|H(w)!?- (4kTRS +v2 )

NF = 1010 22.74
& |H(jw)|? - (4kTR) ( )
or
AKTRs+V2,
NF_101og[ IR, (22.75)

The NF is a useful figure to compare the relative noise performance of amplifiers. NF
varies with source resistance and bandwidth and is usually specified using contours of
constant NF versus frequency or source resistance. We have assumed in this derivation
that the source impedance is much smaller than the input resistance of the amplifier, so
that the RMS input signal to the amplifier is v,. A voltage divider between source
resistance and amplifier input resistance is used when this is not the case. The input
SNR can be calculated, at a given source resistance, by
v2 v?
SNR i, = lOlog:_Z—_———'-'l——— =10log 4k;R -NF (22.76)
Vine +4kTR s

Sometimes the noise of an amplifier is specified using the noise temperature, T,
instead of the NF. Consider the amplifier shown in Fig. 22.29a with the source

resistance at T = 0 °K. The amplifier input RMS noise voltage is 1/v,-2,w . Now consider
the circuit shown in Fig. 22.29b where the amplifier is noiseless, 1/1),-2,10 =0. We

increase the temperature of the resistor until the thermal noise from the resistor is equal

to v,-zno . The temperature of the resistor at this point is labeled 7, for the noise

temperature. We can relate the noise temperature to NF by first rewriting Eq. (22.75) as

' 2
= Vino
NF = 1010g[1 + 4kTRJ 22.77)
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T=0
\ Noisel v
in ——————W‘——@—— ampe ess \ou, (a)
Same output

MR 7 / notse

Vin I;IHciiJseless Vour (b)

Figure 22.29 Determination of the noise temperature of an amplifier.

The mean squared input noise in Fig. 22.29b is given by

V2, = 4kT,R; = 4kTR[ 10710 — 1] (22.78)
or the noise temperature in terms of the NF is given by
Ty =T(10M10 1) (22.79)

where the noise figure, NF, is in dB and T is the temperature in kelvin at which the NF
was measured. The NF can also be written in terms of the noise temperature as

NF=10log (T—IT + 1) (22.80)

22.4 A Class AB Amplifier

Consider the class A common source amplifier shown in Fig. 22.30. We know that the
maximum efficiency of this amplifier is 25 percent. In this section, we are interested in
the large-signal performance of the amplifier. We know that M1 can only sink current
from the load capacitance and the current source I sources current to the load
capacitance. The maximum rate at which the load capacitance can be charged is called
the slew rate (SR) and is given by

A4 (22.81)

=L
SR=C-="%

VDD

av _ 1
1 < Ly i
_/ dt CL
Vin M1 ch

Figure 22.30 Common source amplifier with current source load.
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If I'is 10 pA and C, is 1 pF, then the slew rate of the amplifier is 10 V/us. In many
analog or digital applications, this rate of change may be too slow. Usually the
capacitance is not a variable available to the design engineer, and increasing the current
I results in greater power dissipation. Designing an amplifier that eliminates the
current source limitations in charging or discharging the load capacitance is desirable.

Consider the amplifier configuration shown in Fig. 22.31. The value of the
batteries determines the class (A, B, or AB) of the amplifier. When the input goes
positive, V,, will increase while Vi, will decrease. This causes the current in M2 to
increase and the current in M1 to decrease. The magnitude of the input voltage when
M1 turns off is determined by VGG1. This configuration does not exhibit output
slew-rate limitations due to the absence of a current source in series with the charging
or discharging path. The output voltage swing is limited to a threshold voltage below
VDD and above VSS.

VDD

i
v [ M2

VGG2 _1 s
s

VGGI1 l
H M1 CL_L 192
VSS

Figure 22.31 Implementation of a class AB (or class B) amplifier.

Vout

The floating batteries in Fig. 22.31 can be implemented with the circuit shown
in Fig. 22.32. The gate of M6 is biased with a DC voltage so that its DC drain current
is equal to the DC current through M3. MOSFET M3 is simply a current source. The
gate-source voltages of M4 and MS are constant (because of the constant current
provided by M3) and used as the biasing voltage needed to bias M1 and M2 on. This
configuration is useful as an output buffer in an op-amp when the gate of M6 is
connected to an active load used in a differential pair and the gate of M3 is connected to
the same bias voltage as used in the diff-amp current source.

A class AB amplifier based on a floating current source is shown in Fig. 22.33
[6]. The current source in this figure is used to set the DC current flowing in the
MOSFETs. Keeping in mind that the input current, i, , can be negative or positive (i.e.,
flow into or out of the circuit), an increase in i, causes Vg, to decrease (causing M6 to
source less current) and Vg, to increase (causing M1 to sink more current). The output
voltage of this circuit can swing from VDD to VSS, thus, this configuration finds
extensive use in low-voltage design.
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VDID Substrate of the NMOS
—o is tied to VSS while the

n-well of the PMOS can
Vin —4 M6 be tied to VDD or its source.
L |
M5 '—-A—————‘ M2
M4 | }H_———%
Bias ——-. FM3

VSS

Vout

1 2,

M1 CL

Figure 22.32 Practical implementation of a class AB amplifier in a complementary
source-follower configuration.

The circuit shown in Fig. 22.34 is another implementation of a class AB
amplifier useful in driving capacitive loads (a load resistor kills the gain of this
amplifier). The schematic block symbol, an op-amp with the noninverting terminal
grounded, is also shown in this figure. Let's begin the analysis of this amplifier by
determining the DC operating point with input, v, , grounded. Let's also assume that all
n- and p-channel MOSFETs in this figure are the same size, say, 15/5 for the NMOS
and 70/5 for the PMOS. If this is true, then the bias voltages generated by M13 through

VDD

.

& Vour

>

—®

VSS

Figure 22.33 Class AB amplifier using floating current sources.
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VDD
MlO:l }74—————(‘ thl 1
M9 }}-r—-——————-‘% ‘:M12
‘| Ml M3 ||— Biast
Vip —% }{ ¢—Yout
CL
—({ | M2 M4__|p— Bias2 i
M5 ‘i:MB
Vin y M6 t:‘m
out
r
Symbol Vss
VDD
I M15
Biasl
Mi13 Mi16
Bias2
M14 I

AN
Figure 22,34 Implementation of a class AB amplifier.

M16 force a current  to flow in all remaining MOSFETs. If output driver MOSFETs
M7, M8, M11, and M12 are K times larger than M5, M6, M9, and M10, then a current
K-I flows in these output MOSFETs. Sizing the output transistors is useful if
larger-current drive capability is needed. The open-loop gain of this amplifier is given
by
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1270127 “ Yo7t
AV:_gm 0121011 §m7 07708 (22.82)
T T
This type of amplifier is sometimes called an operational transconductance amplifier
(OTA) and finds use in sampled data circuits where analog data are stored on a
capacitor.
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PROBLEMS

22.1 Show that the gate-drain connected MOSFET shown in Fig. P22.1 behaves like
a small-signal resistor of value 1/g .

Figure P22.1

22.2  Using small-signal models, verify that the gain given in Ex. 22.1 is correct.
22.3  Verify Miller's Theorem using the amplifier configuration shown in Fig. P22.3a.

224 Consider the schematic of a two-MOSFET amplifier shown in Fig. P22.4.
Determine the following:

a. The DC voltages and currents.

b. The small-signal low-frequency gain.
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C
JL . .
I Using Miller's )
Theorem, we Crour=(1+ ;)C
get —>
Vip —e b———-vout Vin vout
Chin = (1+A)C
® - -
Figure P22.3
Unlabeled resistors BV
and capacitors are
assumed large. 10/5
10k
Vin —VVV "_‘I 10/5
Figure P22.4

. Ci Cags Cous Coyys and Cy,. Assume that the areas of the drains and sources

of the MOSFETs measure 6 pm by 10 pm.
d. The frequency response.
e. The location of the zero in the amplifier frequency response.

22.5 This problem investigates how the body effect influences the gain of the
source-follower amplifier. Consider the source follower shown in Fig. P22.5.
Show that the gain of this configuration, assuming an ideal current sink, is given
by
Your _ __ 8m 1
Vin . gm+gmp 147

VDD

Yout

AN Figure P22.5
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22.6 Show that if we include the body effect in the derivation of the resistance looking
into the drain of the MOSFET with source resistance shown in Fig. 22.9, the
resistance becomes

227 For the amplifiers shown in Fig. P22.7 derive the small-signal voltage gains
using small-signal models. Assume that the MOSFETs used in these amplifiers
are biased in the saturation region.

VDD VDD VDD

- P o

Vour Vout
Vin A Vour

v,-n—1 M1 1; Ml Ml

Figure P22.7

22.8 Estimate the small-signal voltage gain of the amplifier shown in Fig. 22.13
assuming that both M1 and M2 are biased in the saturation region.

22.9 Repeat Problem 4 for the amplifier shown in Fig. P22.9.

+5V

10/5 F

1]
il Vout
1 pnA 10k .
W 10/5  Unlabeled resistors
Vin and capacitors are

Figure P22.9 assumed large.

5V

+

10/5

L 4]

¢

22.10 With respect to Fig. 22.17a, what is the small-signal resistance looking into the
source of M1? the drain of M2? What is the small-signal resistance from the
gate of M2 to ground?

22.11 Verify that Eq. (22.51) is correct. With respect to Fig. 22.20, what is the
small-signal resistance looking into the drain of M4 (in terms of g, §,,, and r,,,
and r,,)? the source of M3? the drain of M3? the source of M2? the drain of M1?
the drain of M2? the total small-signal resistance at the output (the drains of M2
and M3)?
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22.12 Repeat Problem 11 (calculating the actual numbers) if 5 pA of current flows in
the MOSFETs of Fig. 22.20. Assume all MOSFETSs measure 50/5.

22.13 Using the small-signal models, verify that Eq. (22.62) is correct.

22.14 For the amplifier section shown in Fig. P22.14, estimate the minimum and
maximum voltages allowable on the output in order to keep all MOSFETs in the
saturation region.

+5V

38V—| M4,70/5

2.6 V—g M3, 70/5

Vout

M2, 15/5

2.4V

1.2V — M1, 15/5

Figure P22.14

22.15 Assume that the amplifier of Fig. P22.9 is driving a 10 pF load capacitor. What
is the maximum rate the load capacitance can be charged (what is the slew rate)?
Is there a slew-rate limitation for discharging the capacitor?

22.16 For the circuit shown in Fig. P22.16, use SPICE to plot the output voltage
against the input voltage. What limits the minimum and maximum output
voltage swing? Also plot the current through M1 and M2 against the input

voltage.

+2.5V

E_—_‘ M2, 100/2
14V ’
Vout
1
1.4VH M1, 300/2 R, =10kQ

—25V Figure P22.16
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Feedback Amplifiers

Feedback is a very powerful concept and has numerous applications. Examples of
feedback systems abound in everyday life. For example, the thermostat on an air
conditioner unit uses feedback to maintain a comfortable temperature within a room.
Similiarly, our bodies use feedback to increase antibodies to fight off an infection. By
definition, feedback is the process of combining the output of a system with its input. In
the air conditioner example, the temperature of the room is considered to be the output
of the system, and the temperature set on the thermostat, the system input. The
thermostat subtracts the value of the room temperature from the input value. If the
temperature in the room is higher than the temperature set on the thermostat, the air
conditioner turns on until the temperature in the room is less than or equal to the
desired set value.

Thus, it can be said that feedback stabilizes a system. However, not all types of
feedback have this property. There are two types of feedback: positive and negative.
Negative feedback stabilizes, while positive feedback has the opposite effect. A good
example of positive feedback is when a microphone is held too closely to the speaker of
a public address (PA) system. More than likely, most people have heard the loud
ringing that occurs. The positive feedback causes the system to become unstable, and
the undesired effect is clearly recognizable.

Positive feedback occurs when the system output is added to the system input,
whereas negative feedback occurs when the system output is subtracted from its input.
For our purposes in this chapter, only negative feedback will be considered. While
positive feedback can be useful if controlled, its applications will be discussed in a later
chapter. However, methods for minimizing positive feedback effects will be discussed
here.
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23.1 The Feedback Equation

Consider the feedback system shown in Fig. 23.1. The variables used in this diagram
are labeled as an x value because they may be either a voltage or a current. The input
signal, x,, and the output signal x,, may be either a voltage or a current. However, the
feedback signal, x;, must be the same type of signal as the input signal. If the input
signal is a voltage, then the feedback signal must also be a voltage.

The block A, represents an amplifier's open-loop gain and is frequency
dependent. The input to the amplifier, x,, is the difference in the input source signal
and the feedback signal, or

P (23.1)
and the output is given by
Xo=AoL(jO) - (x5 —xf) (23.2)

In the following discussion, we will assume that all components of the system are ideal,
meaning that the feedback network, B, will not load the amplifier. The specifications
for the system can then be defined as follows:

AoL = X (23.3)

The feedback factor, B, is defined as
Xf

B= N (23.4)
and the closed-loop gain, A, is

Ac =32 (23.5)

Realizing that
xr=P-xo (23.6)

(B |

Figure 23.1 Basic block diagram to illustrate the feedback concept.
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and plugging in Eq. (23.6) into (23.2) and solving for the closed-loop gain, we find that
A, becomes

_X __Aor
A= =TT AnD (23.7)

where the frequency dependence of A, has not been shown.

Note the dependence of the A, on the value of A,,. If the value of A, becomes
large (A,, approaches infinity), then the value of A, approaches L This illustrates the

B

need for having a high-gain amplifier. If A, is very large, then the closed-loop gain
becomes highly dependent on the feedback components.

The term A, is often referred to as the loop gain and will be used in later
sections to determine overall amplifier stability.

23.2 Properties of Negative Feedback on Ampilifier Design

When used in the design of amplifiers, feedback can provide a number of
advantages. These advantages include desensitizing the gain to process parameter
variation, reducing nonlinear distortion, reducing the effects of noise, extending the
useful bandwidth of the amplifier, and controlling the input and output impedance
levels.

23.2.1 Gain Desensitivity

Since the value of the open-loop gain, A, , is large, its value may change significantly
with temperature, mismatch of devices, and other parameter variations. However,
negative feedback desensitizes the closed-loop gain from changes in the open-loop gain.
The following derivation illustrates this property.

Differentiating both sides of Eq. (23.7) yields

dAcL 1 dAor
= ordAcL=——m-—— 23.8
dAor  (1+AoLB)? T (1 +Anp)? (23.8)
Dividing each side of Eq. (23.8) by the corresponding factors in Eq. (23.7),
dAcL _ 1 _dAoL (23.9)

Aa  (1+Aof) Ao
dAc

. . . . . dA
ACLL represents the fractional change in A, for a given fractional change in —A?of.

Using Eq. (23.9), if A,, = 10,000 V/V (assuming a voltage amplifier) and f =
1/10 V/V, it can be seen that if gf—ff = 10%, then the change in the closed-loop gain,%

=0.01 %! This can easily be verified by using Eq. (23.7) for A,,=10,000 and 9,000,
keeping 3 = 1/10 V/V and solving for A, for each case. The resulting difference proves
the immunity of the closed-loop gain to changes in A4,,.

where
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23.2.2 Bandwidth Extension

Negative feedback also increases the usable bandwidth of an amplifier. Assume that an
amplifier has the frequency response given by

AoLWy 1
A = =A 23.10
oLH(S) S+ 05 OLh_)s_};+1 ( )
Ap(8) is simply the high-frequency dependent version of A,, and is approximated
using a first-order pole at ®, Plugging Eq. (23.10) into Eq. (23.7) yields the
high-frequency dependent closed-loop version of Eq. (23.7)

Aorn(s) AoLOy
= 23.11
1 +AOLH(S)B s+ (DH(I +AOLﬁ) ( )

Acru(s) =

which can be rewritten as

Ao 1 __Aa__ _ 1
(1+AOLB) m—}-l (1+AOLB) 5%;+1

Acrr(s) = (23.12)

Note that the resulting equation is composed of two parts. The first factor
should be recognized as Eq. (23.7) and is simply the expression for the closed-loop gain
at midband. The second factor is the frequency dependent term. It is interesting to
observe that the original -3 dB frequency ®, in Eq. (23.10) is now multiplied by
(1+A,.B). Figure 23.2 illustrates the bandwidth extension from using negative
feedback. The original open-loop frequency response is drawn in the solid line, while
the closed-loop frequency response is illustrated in the dashed line. The closed-loop
response shows a decrease in the gain and at the same time an increase in bandwidth.

If one were to decrease the value of B, from Eq. (23.11), it can be seen that two
interesting effects occur. First, the closed-loop value of the gain will increase, since the

Al
A

AoL

yﬁreasing

AcL|-- - - - SRR

~
7

)4 Wpr f

Figure 23.2 Extension of the high-frequency pole by using feedback.
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first factor in Fig. 23.12 increases with a decrease in . Second, the frequency response
decreases since , is multiplied by (1 + A, B) and B is decreasing. The resulting
frequency response curve is seen in Fig. 23.2. As 3 decreases, the overall curve follows
the original open-loop curve. Naturally, if B decreases to 0, the amplifier no longer
contains any feedback and the amplifier is operating in the open-loop configuration. It
should be seen that when using feedback, one trades gain for bandwidth.

The same analysis can be applied to the low-frequency response of an amplifier.
Equation (23.13) approximates the low-frequency response of an amplifier with a single
first-order low-frequency pole.

_ s
Aor(s) —AOLS_HDL (23.13)

If we plug Eq. (23.13) into Eq. (23.7), the closed-loop low-frequency response becomes

Aowr(s)  Aoge, Ao 5

1+Aor(s)B 1+A0L?+%>ZB ~1+AoPs+ 1+2)16;LB

Acri(s) = (23.14)

The result in Eq. (23.14) is comprised of the standard closed-loop gain at midband and
the frequency dependent term. Note however, that with feedback, the original
low-frequency pole, ®, , in Eq. (23.13) is now divided by 1+A,,f in Eq. (23.14). Figure
23.3 illustrates the effect of the feedback on the low-frequency response of an amplifier.

|4l
A B =0
Aop| -~ ‘ v
B decrw
AcLt - - - -,

>
rd

OLF 0L f
Figure 23.3 Extension of the low-frequency bandwidth by using feedback.

23.2.3 Reduction in Nonlinear Distortion

Negative feedback can also improve the nonlinear behavior of an amplifier. Examine
the transfer curve of the voltage amplifier shown in Fig. 23.4 without feedback. Ideally,
the amplifier should have a straight line from -2 V <V, <2 V. However, nonlinear
behavior in the amplifier causes a different slope to occur when V,, > 1V and V,, < -1 V.

in
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The reasons for nonlinearity will be discussed in a future chapter. Note that the output
voltage is limited by the value of the power supply (+ 15 V).

Since the gain of the amplifier can be defined as the slope of the transfer curve,
we can deduce that

AoL = AVo =10V/V =10V < V,<10V (23.15)
AViy
and
AVo
AoL = =5V/V V,>10and V,<-10V (23.16)
AV

Now suppose that feedback is applied around the amplifier with B = 0.1 V/V and the
transfer curve is redrawn. The gain of the amplifier with feedback becomes

Ao 10
- - =5V/V -10V ,
Act T AoB 1+1000) 5V I0V<V,<10V  (23.17)

and

5 10

-—-m:—g' V0>10Vand V0<-—-10V (23.18)

AcL
The resulting transfer curve is illustrated in Fig. 23.4. Note that with feedback, the
overall transfer curve is much more linear, resulting in an amplifier that has less
nonlinear distortion than the amplifier shown in Fig. 23 4.

Vo
A Without feedback

o . S
O — >V

. f - A IR
15. . . ! f ' . f . . '
- 1 v 1 ' ' v + . . . v .

6-54-3-2-1 1123456
Figure 23.4 Using feedback to improve amplifier linearity.

23.2.4 Input and Output Impedance Control

Input and output impedances of an amplifier can be controlled using negative feedback.
As seen in Fig. 23.5, R, is the small-signal input impedance looking into an amplifier
without feedback, and R, is the input impedance with feedback applied. Similiarly, R,
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Rinf Ri Ro Rof

Lo L J

Xs z Aor(jw) Xo
LB

Figure 23.5 Determining the input and output impedances with and without feedback.

and R, are the output impedances with and without feedback, respectively. Feedback
allows us either to increase or decrease both R, and R, by a factor of (1 + A,[).
Although an example of this property is difficult to derive in a general way, proofs of
this property will be illustrated with actual circuit examples in a later section. For the
time being, it will be sufficient to summarize the impedance control properties of
feedback with Table 23.1. Note that the closed-loop impedances are completely
dependent on the type of variable that is used (voltage or current) at the input and the
output.

If the input variable, x,, is a voltage, the closed-loop input resistance, R, ., 18
equal to the open-loop value of the input resistance, R, , multiplied by the value of 1 +
A, B. If the input variable is a current, R, is divided by the same factor. Alternatively,
“if the output variable, x,, is a voltage, then the closed-loop output impedance is the
open-loop output impedance divided by (1 + A,B). And if the output variable is a

current, the open-loop output impedance is multiplied by the same factor.

Obviously, this concept is a powerful one. We can adjust both input and output
impedances in a larger or smaller direction simply by choosing the type of feedback
used in the circuit.

Input Variable, |Output Variable, R, R,
xa‘ xo
1% 1% R-(1+A,B) | R/I1+A,P)
1% I R-(1+A,B) | R-(1+A,B)
1 1% RIA+AyP) | RI1+A,B)
1 1 R/(1+A,B) R,-(1+A,B)

Table 23.1 Summary of impedances with feedback.
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23.3 Recognizing Feedback Topologies

Examine the general single-loop feedback circuit in Fig. 23.6. Remember that x_, x,,
and x, must all either be currents or all be voltages, and that the output variable, x, may
be either a voltage or a current. As a result of these restrictions, a total of four types of
feedback are possible (Table 23.2).

Xo =A(J®) - (x5 —X5)

Xs t@ Xi AoL(jo)
’Txf= B . xo

Figure 23.6 Basic block diagram to illustrate the feedback concept.

{8 ]

Xy» X X, X, Feedback Type
(mixing-sampling)
Voltage Voltage Series-shunt
Voltage Current Series-series
Current Current Shunt-series
Current Voltage Shunt-shunt

Table 23.2 Feedback type as a function of system variables.

The input summation is often referred to as input mixing. If the input variables,
x,, x;, and X can be written as voltages, the mixing is referred to as series or voltage
mixing. If the input variables can be written as currents, it is referred to as shunt or
current mixing. The type of variable used at the output determines the second term,
known as sampling. If the output variable is a voltage, the sampling is referred to as
shunt or voltage sampling. If the output variable is a current, the sampling is known as

series or current sampling.

In the analysis of feedback amplifiers, the following terminology will apply.
The term basic amplifier will correspond to the gain circuit, A,,, in the block level
feedback diagrams. When determining the value of A,, , it is very important to
determine the loading due to the [ network and any source and load resistance. The 8
network is also known as the feedback network. The overall circuit that includes both
A,, and B will be referred to as the feedback amplifier.
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23.3.1 Input Mixing

Figures 23.7a and b illustrate the inputs to two generic feedback amplifiers. The basic
amplifier in 23.7a is used in a series mixing configuration since the equation, x; = x, — x,
can be written in terms of the voltages. Note also that the basic amplifier and the
network are in series with each other. In Fig. 23.7b, however, the basic amplifier is
used in a shunt mixing configuration. Here, the summation at the input can only be
written in terms of currents such that i, = i, — i;. The feedback circuit and the basic
amplifier circuit are both in parallel, or it can be said that the feedback shunts the basic

amplifier.
23.3.2 Output Sampling

Determining the type of variable used at the output is not an obvious endeavor.
However, a general model followed by several examples will help clarify the proper
procedure. Figures 23.7c and d show the outputs of two generic feedback amplifiers.
Shunt sampling is shown in Fig. 23.7c. Note that the feedback circuit is shunting, or in
parallel with the basic amplifier circuit. The output variable is considered a voltage
because the feedback circuit "senses" or samples the voltage across R,. Series sampling
is seen in Fig. 23.7d. Here, the feedback network is in series with the basic amplifier
circuit. The output variable is a current since the feedback circuit now senses the

¥ -
+ Vi Aor i ifi Li AoL
& CD E
7 p b
() (b)
. .
Aot RL2> Vv, AoL i"i,

_ N ] %RL

B B

(c) (@

Figure 23.7 Generic block diagrams for input circuits (a) series mixing and
(b) shunt mixing and output circuits, (c) shunt sampling, and

(d) series sampling.
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current through the load resistor. Two rules that help distinguish between the two types
of output sampling are:

Rule 1: If one terminal of the output active device (drain or source) is driving
the load and the other terminal is attached to the feedback network, the output
sampling is series.

Rule 2: If the load and the beta network are connected to the same node, the
output sampling is shunt.

23.3.3 The Feedback Network

When analyzing feedback circuits, it would be wise first to recognize the basic amplifier
circuit, A, , and the 3 network by tracing the small-signal path from the input to the
output and back through the feedback. The path from the input through the A, circuit
to the output will be denoted as the forward path and the path from the output back
through the B network, as the feedback path. Determining which path the signal takes
is not obvious when there are several devices from which to choose. Some rules that
will aid in the analysis are as follows:

« The forward path through the basic amplifier circuit will always take
the path that has the highest gain.

« The AC small-signal will always enter either a gate or a source and
will always exit either a drain or a source. The gain from drain to
source is very small (at least for linear applications) and is considered
to be negligible for most of our applications. A small-signal will never
exit through the gate.

+ The feedback signal must subtract from the input signal. To ensure that
this is the case, one must count the number of inversions around the
loop. Every time a signal crosses a gate-to-drain junction (common
source amplification), an inversion occurs. Examples of this will be
discussed next.

Examine Fig. 23.8a. Note that the signal path in the forward direction
progresses through the path with the highest gain—from the gate of M1 to the drain of
M1, into the gate of M2 and out the drain of M2. The feedback path consists of the
resistors R, and R,. The feedback variable consists of the voltage that appears across R,.

An Important Assumption

One might attempt to draw the forward path from the gate of M1 to the source of M1,
through the feedback resistor, R, , and to the output. In actuality, this would be a
legitimate forward path because in some cases the feedback network is actually
bidirectional. However, the signal will have very little gain since the gain from gate to
source of any MOS device is a maximum of one (common drain amplification) and the
gain from v, to v, in the forward direction will be less than one because of the voltage
divider relationship between R, and R,. Thus, for all of the analysis performed in this
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chapter, the forward path through the amplifier circuit dominates the expression for the
total forward gain from input to output, while the forward path through the feedback is
assumed to be negligible. This important assumption greatly simplifies the analysis and
is a good one, since the amplifier will have very poor performance if there is not a good
deal of gain through the basic amplifier. (Ideally, the value of A,, is infinite.) If an
active device is used in the feedback network, the forward gain through the 8 network is
minimized.

Figure 23.8b has the same basic transistor topology, except it uses current as its
input. The forward path consists of the source of M1, out the drain of M1 into the gate
of M2 and out the source of M2. The feedback path consists of R, and R, , and the
feedback variable is the current, i,. Note that the forward path has the highest possible
gain path, since M1 acts as a common gate amplifier. The forward path could progress
from the input through R, and into the drain of M2. However, since the small-signal
gain from the drain to the source of M2 is extremely small, it will be neglected.

Counting Inversions Around the Loop

It is also necessary to check the circuit to ensure that the feedback is indeed negative.
Counting the number of inversions around the loop in Fig. 23.8a may initially give the
wrong impression, because the number of gate-to-drain junctions encountered by the
signal around the loop is two. This implies positive feedback since the feedback
variable must be inverted with respect to the input signal. However, the final mixing
between v, and v, will provide the additional negative behavior needed to ensure the
proper feedback. Notice the relationship that exists between v, and v,. Since v,=v, —v,
the voltage v, has a subtractive effect on v,. Thus, a positive change in the signal
entering the gate of M1 will result in a positive change in the source of M1 and a
smaller, stable voltage v;. If v, had been negative with respect to v,, then v, would be, v,
= v, + v, and positive feedback would occur.

Now examine Fig. 23.8b. Again, if we count the number of inversions around
the loop from input back to the mixing variable, if, the number of inversions is odd,
which is exactly what is needed, since KCL tells us that i, = i, — i 7 The direction of the
feedback current from the output is opposite the direction of i, ; however, the signal is

inverted, making it equivalent to i, as illustrated from Fig. 23.9.
Examples of Recognizing Feedback Topologies

Now that the method for recognizing feedback has been discussed, examples will be
presented to solidify the concepts. Again examine Fig. 23.8. Here, two types of
feedback are illustrated. Transferring the block diagram concepts to transistor-level
circuits can be a difficult task. However, several other rules can be applied which will
reveal the type of sampling used in the circuit. The term input active device is used to
denote the transistor that is being driven by the input source. The term output active
device is used to denote the transistor used to drive the load.
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VDD VDD

(b)

Figure 23.8 Feedback topologies (a) series-shunt and (b) shunt-series.

In Fig. 23.8a, the input variables can only be written in terms of voltages such
that v, = v, —v,. We could attempt to sum currents at the node on the gate. However,
the current flowing into the resistor, R, will not be the result of any feedback, thus
making current mixing impossible. The output sampling is of the shunt type since the 8
network and the basic amplifier are in parallel (the B network is connected to the same
node as the output) and v, is the voltage being sampled. This amplifier employs series
mixing and shunt sampling, and is referred to as a series-shunt feedback amplifier
configuration.

Figure 23.8b illustrates shunt-series feedback. The DC current source is viewed
as an AC open circuit, and the DC voltage source, V,, is considered as an AC short
circuit. Note how the input variables can only be written in terms of currents forming
the expression, i, = i, — i,. Series sampling is used at the output since the feedback
network is in series with the basic amplifier. This amplifier configuration also follows
rule 2, mentioned previously; thus, the proper small-signal output variable is the
current, {,. Note that the direction of the small-signal output current, i, is consistent
with the direction of the small-signal model, since VDD is considered a small-signal

ground.
T Equivalent to T
i: — i:

—> —> —_ &
is i is —if

Figure 23.9 Shunt mixing illustrated with an odd number of inversions.
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The variables v, , i, , v,, and i, may or may not correspond to the defined input
and output variables of the feedback circuit. For example, in Fig. 23.3b, the correct
output variable is defined as i, However, the gain of the feedback amplifier can be
ascertained in terms of v,, i,, v,, and i, since v, = i -R,. Also note that v//i; and v,/i,
correspond to the input and output impedances, respectively, of the feedback amplifier.

Series-series feedback is illustrated in Fig. 23.10a. Although the input variables
are written in terms of voltages, the output variable is considered to be a current since
the feedback network is in series with the amplifier output. Note that the only
difference between Figs. 23.10a and 23.8a is in placement of the output terminal. The
same holds true for Figs. 23.10b and 23.8b. Lastly, Fig. 23.10b illustrates shunt-shunt
feedback. Current summation occurs at the input which typifies shunt or current
mixing, and the B network made up of R, and R, shunts the output.

VDD VDD

(b)

Figure 23.10 Feedback topologies: (a) series-series and (b) shunt-shunt.

23.3.4 Calculating Open-Loop Parameters

Once the feedback topology can be recognized, the analysis of the circuit can begin. We
will perform two types of analysis: open-loop and closed-loop. Openloop analysis
entails approximately 80 percent of the circuit analysis required to solve a feedback
problem. Open-loop values are then used to calculate the closed-loop values, so extreme
care must be taken when analyzing the open-loop circuit. We will then "close the loop"
and calculate the feedback characteristics of the overall feedback amplifier

The method of analysis for feedback amplifiers can be confusing if we do not
distinguish between open- and closed-loop notation. We will denote the open-loop
voltage and current variables by use of the * notation. The open-loop parameters
include A,,, R,, R,, and B and are defined as follows.
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*
[4

AoL = o and is the open-loop gain of the basic amplifier (23.19)

s

v*
R;= -l,% and is the open-loop input impedance (23.20)
1
R, = 1:;2— and is the open-loop output impedance (23.21)
2
x*
B= SC-J;:- and is the gain through the feedback network (23.22)

o

In our discussion of general feedback principles in Sec. 23.1, it was assumed that
the B network was ideal, meaning that the impedance of the § network did not load the
amplifier circuit. However, in real-life applications, the B network can cause loading
effects on both the input source and the output of the amplifier circuit. The type of
feedback used will determine how the B network loading is calculated. As we progress
in the discussion of each feedback topology, the method of determining the B network

loading will be presented.

All variables in the following analysis are considered to be small-signal AC

voltages or currents. We will perform the open-loop analysis using the following steps:

1.

Replace input source with Norton or Thevenin equivalent circuit and
calculate open-loop gain. The amplifier circuit will produce a different type
of gain for each type of feedback. For example, the open-loop gain for an
amplifier used in a series-shunt configuration will have units of V/V. This is
a standard voltage amplifier since the output variable is a voltage and the
input mixing sums voltages. An amplifier using series-series feedback will
have a gain with units of I/V, since the output variable is now a current and
the input mixing uses voltages. This type of amplifier is also known as a
transconductance amplifier since the units of the gain, I/V, are equivalent to
a conductance.  Similiarly, an amplifier used in the shunt-series
configuration has a gain with units of I/I (a current amplifier), and an
amplifier used in a shunt-shunt configuration will have a gain with units of
V/T and is known as a transimpedance amplifier.

When calculating the open-loop gain of the circuit, consider the  network
loading. An equivalent resistance, RBf and Rﬁo, as seen in Fig. 23.11 will
represent the total input and output resistance of the B network. The method
for calculating Ry, involves the following steps.

- If the output sampling is shunt (voltage), short the output node to ground.

+ If the output sampling is series (current), remove the device driving the
output load as if it were taken "out-of-socket."

» Calculate Ry, as the impedance looking from the input into the B network.
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The method for calculating R, involves similar methodology:
« If the input mixing is shunt (current), short the output node to ground.

- If the input mixing is series (voltage), remove the input active device as if
it were taken "out-of-socket."

+ Calculate R, as the impedance looking from the output into the 3
network.

ROW’

Xout

Rgi Feedback amplifier Rpo

Figure 23.11 Block diagram of a generic feedback amplifier that distinguishes
between open- and closed-loop impedances.

The method for determining the loading of the B network is rooted in basic
two-port theory where each type of feedback configuration corresponds to one of
the four basic two-port topologies. For further information regarding two-port
theory, the reader is advised to consult [1]. One method used to easily remember
the above rules is to remember that if mixing or sampling is shunt, then "short"
the input or output, respectively. If the mixing or sampling is series, then
"sever" the input or output device, respectively, by taking it "out-of-socket."

3. Calculate feedback factor, B, for the amplifier. The open-loop circuit is
analyzed to determine the gain from the output back to the point where the
feedback variable mixes with the input.

4. Determine the open-loop input and output impedances, R, and R,. These
impedances can be calculated using standard circuit analysis techniques.

23.3.5 Calculating Closed-Loop Parameters

Once all the open-loop parameters are obtained, the closed-loop values are easily
calculated. The closed-loop gain is

Xo Aor

ACL:_x-::—————_1+AOL.B

(23.23)

for all four topologies. The closed-loop input impedances represent only the input and
output impedances of the feedback amplifier. The input impedance from the input
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source, R,,, may correspond to R, . if there is no gain from the source to the source, x,,,
to the input of the feedback amplifier, x,. Similiarly, the value of the output resistance,
R,,, may or may not correspond to R ., depending on the type of sampling used. Figure
23.11 illustrates this distinction. Calculating the input and output impedances of the
feedback amplifier is dependent on the type of mixing and sampling circuits used,

respectively.

For series input mixing, Rus=R:(1+AoLB) (23.24)
. .. R;
For shunt input mixing, Rf= ———— 23.25
The value of the closed-loop output impedances will be as follows:
For series output sampling, Ror=R,(1+AoLB) (23.26)
R
For shunt output sampling, R,=——"— 23.27

Equations (23.24)-(23.27) will be derived with each specific topology. However,
it is important to note the effectiveness of using feedback to control input and output
impedances. Note that if series mixing or series sampling is used, the open-loop value
of the input or output impedance is multiplied by (1 + A,,B); and if shunt mixing or
shunt sampling is used, the open-loop values of impedances are divided by the same
factor. Now that the general methodology has been described, a detailed examination of
the four feedback topologies will be presented. The analysis of the four basic feedback
topologies begins at the discrete level and progresses into more complex integrated
circuits throughout the section.

23.4 The Voltage Amp (Series-Shunt Feedback)

Consider the ideal voltage feedback amplifier shown in Fig. 23.12, with open-loop
values, A,,, B, R;, and R already given. The basic amplifier is a voltage amplifier with
gain given V/V. Since this is an ideal feedback amplifier, the § network does not load
the basic amplifier, meaning that Ry, = e and Ry, = 0.

To determine what type of feedback is present in the circuit, examine the input
variables. Since input variables, x,, x;, and X correspond to the voltages, v, v,, and Vs
such that the equation, v, = v, - Vv;, can be written, the input mixing is series. The
output mixing can be determined using the previous rules. Since the output of the
amplifier, A,,, and the B network are attached in parallel (both being connected to the

load, R, ), the output mixing is considered to be shunt.

From Sec. 23.1, we already know that the closed-loop gain of the amplifier is

“Yo___ Ao _
AcrL= Vs = T+AoL B (23.28)

Notice that as A, approaches infinity, Eq. (23.28) approximates to
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AcL= (23.29)

™|

Equation (23.29) is important because it illustrates another power feedback
concept. The entire gain of the feedback amplifier can be approximated as the inverse
of B as the basic amplifier gain increases to higher and higher values.

We can calculate how the feedback affects the input impedance of the amplifier
by applying a test voltage directly to the input of the feedback amp shown in Fig. 23.12,
sothatv, =v,_ and i, = i,,. Writing a voltage loop at the input and assuming that the
feedback network does not load the amplifier gives

Aor

Viest = Liest ’Ri+[~)) Vo = Ltegt 'Ri+B' m * Viest
L

(23.30)

Equation 23.30 simplifies to
Ring= "L =R; - (1+AoLB)

Ltest

(23.31)

The gain of the open-loop amplifier was decreased by 1+Aq.p, while the input
impedance, the impedance the source sees, was increased by 1+ A o.B.

Calculation of the output impedance proceeds in the same way as the calculation
of the input resistance except that the test voltage is applied to the output of the
amplifier with the input shorted to ground with v, =v__ and i =i, , Writing a loop
equation at the output gives

test test®

Viest = Ltest ' Ro+AoL - Vi =ltest* Ro+AoL- ("B “Vo) (23.32)

since the input is shorted to ground and v; =-vs=—B-v,. The output impedance is
given by
R,

Viest

Ryp=——=—— 23.33
Ltest 1 +A0LB ( )

R s Rof
r\\
L’ Amplifier "]
: + <4+ +
Vs H Aorvi o v,

o A

Rgi — Network | _ Rg,

Figure 23.12 An ideal voltage amplifier (series-shunt).
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or the output resistance is reduced by 1+Ao.P. Ideally, a voltage amplifier has infinite
input resistance and zero output resistance. Adding feedback to a voltage amplifier with
finite input resistance and nonzero output resistance help make the amplifier closer to
the ideal.

Now that the ideal series-shunt amplifier has been examined from a block level
point of view, a discussion of the nonideal series-shunt feedback amplifier at the
transistor level with loading effects will be considered. The amplifier seen in Fig. 23.13
was analyzed previously and was determined to use series-shunt feedback.

The small-signal circuit of the feedback circuit is seen in Fig. 23.14. Note that
the forward path consists of the following nodes: 1, 2, 3. The feedback path consists of
nodes 3 and 4, with the feedback variable, v,, appearing across R,. In the previous
discussion, it was assumed that the B network did not load the amplifier circuit.
However, to accurately calculate the open-loop gain, A,,, the loading of R, and R, on
both the input and the output of the amplifier circuit needs to be considered. Note that

the resistor Ry is initially ignored, since it is essentially outside the feedback amplifier.

Since we are analyzing a series-shunt amplifier, we may determine the loading
caused by the B network on the input, Ry, and the output Ry, in the following way (refer
to Fig. 23.15). Looking into the B network from the input, we observe the resistance
seen with the output terminal shorted to ground. The equivalent resistance to ground
seen is the loading of the B network seen by the input of the amplifier. In this example,
R, is seen. Therefore, in the open-loop model used to determine A,,, we will include R,
in parallel with R,. The loading at the output is found similarly. Since the input
mixing is series, we will remove M1 "out-of-socket" and look into the § network from
the output. The equivalent resistance seen is then attached to the output of the
open-loop model. In this example, the equivalent resistance is R, + R, and is attached to
the output of the open-loop model. The resulting open-loop model is seen in Fig. 23.16.

VDD

Rou = Rof

Figure 23.13 Transistor-level series-shunt feedback amplifier.
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Figure 23.14 Closed-loop small-signal model of Fig. 23.8.

Rg;
|_.> v+ E’ Output
f_ Network shorted
—_] R,
Input device |3 : ‘_J
. ttaifen et Network | _°
out-of-soc 5— %

Figure 23.15 Determining the loading due to the feedback network
for a series-shunt amplifier.

We will initially assume that r, for the MOSFETS is much larger than the discrete
resistors and that the bulk and source are tied together (v, = 0). As we progress
through the chapter, more difficult circuits will include drain-to-source resistances to
our small-signal analysis.

The open-loop model is now ready to be analyzed in order to calculate A,,.
Since we are using a series (voltage)-shunt (voltage) feedback amplifier, the units of A,
will be V/V and

Ao = -‘VQ (23.34)
Solving for A,, yields
v; V; v;SZ v;ﬂ gmR3 1
T (Vgﬂ)("gsl}(vs j gk li(Ra+ Ru)) 1+gmRa || 1+ gm(R1lIRy)
(23.35)
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*
gmlvgsl

Figure 23.16 Open-loop small-signal model of Fig. 23.8.

Next, the value of B can also be calculated from the open-loop model. Remembering
that B is defined as the gain from the output back to the input mixing variable, v,, we
can write

_Vi__ R
= v; = AR, (23.36)

since the 3 network is simply a voltage divider relationship. Notice that the open-loop
circuit now contains two values of R, and v;. In this example, since r, was assumed to
be infinite, the gain from v to v}l will be zero. If r, had not been neglected, the gain
from v; to v, would have been small but finite. Therefore, it can be said that a reverse
path exists through the basic amplifier as well as through the feedback network.
However, the gain from v} to v}z, though less than one, will be significantly larger than
from v; to v}l. Therefore, just as the forward path through the feedback network was
neglected, the reverse path through the basic amplifier is assumed to be much smaller
than the reverse path through the feedback path. Therefore, the value of B is
calculated using the resistor, R,, closest to the output.

Next, the value for R, and R, will be calculated. These values are determined
using the open-loop model generated in Fig. 23.16. Since we are using MOS devices, it
should be obvious that the input resistance to the open-loop circuit is o. The output
resistance, however, can be calculated shorting the gate of M1 to ground and applying a
test voltage to the output. Since the input is grounded, v, = 0, and R, is simply the
parallel combination of resistances at the output (assuming that r, is very large).

Ro= -f—— =R, (R, +R,) (23.37)

2

Once the open-loop values are calculated, the closed-loop values are easily attained.
The closed-loop values are

_v2__Aa
Aa=gt=1tls (23.38)
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Riy= ll’— =Ri(1+AoLP) (23.39)
S
R
Rou=Rop= 2= —20 ,
out f i 1+A0LB (23 40)

Analysis of this problem has not yet been completed. Notice that we initially
neglected the source resistance and the biasing resistors, R;;, and R,, since they played
no part in the feedback analysis of the amplifier. However, they will have an effect in
the overall gain and need to be considered. The total gain of the entire circuit is

Va_ Vs V2 RaillRs
VST e A 23.41
Vio V1 Vs RaillRey +Rs < ( )
and the value of R,, as seen by the signal source is
Rin="2=RallRe (23.42)

11

and the analysis is now complete. Notice that the value of R, is not the same as R, ;.

Example 23.1

For the series-shunt circuit shown in Fig. 23.17a, draw the closed-loop
small-signal model and identify the forward and feedback paths, draw the
open-loop model, calculate A,, , B, R,, and R, and calculate the closed-loop
parameters v,/v,, v,/i,, and v,/i,. You may assume that r, = o for both devices
and that DC analysis has already been performed with g, = g,, =1 mA/V.

The closed-loop small-signal model can be seen in Fig. 23.17b with the forward
and feedback paths drawn. The open-loop model with loading effects is seen in
Fig. 23.17c. Since the output uses shunt sampling, the value of Ry, is found by
shorting the output node and looking at the load resistance resulting from the
feedback network. In this case, Ry, is equal to R,. Since the input mixing is
series, the input device, M1, is "severed," so that only R, + R, is seen looking
into the feedback loop from the output. Thus, Ry, =R, + R,.

The values of r, are considered to be infinite, so the values of R, and R, can be
found by inspection, R, =, and R = R, + R, = 11 kQ. Notice that when solving
the open-loop circuit (Fig. 23.17¢) v, and R, are not included since we are only
interested in solving the feedback portion of the circuit.

The open-loop gain, A,,, can be found simply as the gain of two common source
amplifiers with source resistance,

vy _ Vs Va2 _ I:_ng(RZ +R1):[ —gmiR3
1+gmRs 1+gm1(R1”R2)

J =109.8 V/V

The value of B is always the gain from the output to the feedback variable. In
this case, a simple voltage divider relationship exists such that
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R inf
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Rpi (M1 taken
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Figure 23.17 (a) Series-shunt circuit used in Ex. 23.1; (b) its closed-loop
small-signal model; and (c) the resulting open-loop model.
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pel =R

=V TRi+Rs =0.0909 V/V

Again, notice that the product of A, is positive and unitless. Now that the

open-loop values are calculated, the closed-loop values can be found by using
Eqgs. (23.38) - (23.40).

va__ Ao _ 109.8
Vs = T+AoLp  1+(109.8-0.0909)

AcL= =10V/V

A simple check will verify that the solution is correct if Ac, = -1—, which is the

B

case.

Notice in Fig. 23.17a and Fig. 23.17b that closed-loop output impedance, R,
is equal to the value of R,,. However, the value of the closed-loop input
impedance, R, is not equal to R,, since the feedback amplifier itself excludes
the input source and the gate resistor, R;. The closed-loop values, R, and R,
are also easily attained, that is,

inf?

R, ;= o= (since R;= o)
and

Roszour‘-:l:."z' Ry = 11 k2

= = =1. Q
2 (1+AoB) 10.98 1.002

The last step involves finding R,, and v,/v,. The value of R,, can be found by
examining Fig. 23.17a as,

Rin= f—‘ = RolIRiy =50 kQ
1

The overall gain, v,/v,, will be equal to the value of A, since the input voltage,
v, is equal to v. If we had included a value for a source resistance, then an
additional voltage divider relationship would have been needed to formulate v,/v,
as seen in Eq. (23.41)

V2

;T=ACL= 10V/V B

23.5 The Transimpedance Amp (Shunt-Shunt Feedback)

Shunt-shunt feedback mixes current at its input and samples voltage at the output.
Consider the ideal shunt-shunt feedback amplifier shown with open-loop values, A, B,
R;, and R,, in Fig. 23.18. In the ideal case, Ry, is infinite and R;, is zero. Notice that the
basic amplifier and the B network are in parallel at both the input and the output. The
network shunts the basic amplifier; therefore, the input variable is a current. Looking
into the output of the amplifier, we see that the feedback path is in parallel with or
shunts the output signal. Therefore, the output signal is a voltage. Also note that since
the input variable is a current and the output variable is a voltage, the basic amplifier
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Figure 23.18 An ideal transimpedance (shunt-shunt) amplifier.

has units of V/I, also known as a transimpedance amplifier. Since A,,B should always
be unitless and positive, B will have units of I/V (mhos).

The closed-loop gain is

Vo AoL
Acp=—=—— 23.43
T s 1+AoB ( )
Notice that the basic amplifier circuit is inverting, corresponding to an ideal
op-amp circuit. Since A, is negative, then B must also be negative to ensure that
negative feedback exists.

To calculate the input impedance of the transimpedance amplifier we apply a
test current source to the input of the amplifier, such thati =i _,and v, =v, . The test
current and the input impedance are determined by

test

Viest | . Vies _ Viest

. (1 +AOLB) " Viest
+ir= d = +BA | = —_—
R If R; +[3vo R, ﬁ oLl R;

Assuming that the [ network does not load the basic amplifier, we note that the
closed-loop input impedance becomes

Ltest =

(23.44)

Ry = 2288 = (23.45)

Ltest 1 +AOLB

A similar analysis of the output impedance of the transimpedance amplifier shows that

Ro= m (23.46)
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The ideal transimpedance amplifier has zero input resistance and zero output resistance.
We can see from Eqgs. (23.45) and (23.46) that the addition of the feedback helps to
make the basic amplifier appear closer to the ideal.

Now examine the transistor level shunt-shunt feedback circuit shown in Fig.
23.19. The closed-loop and open-loop small-signal models are seen in Fig. 23.20 and
Fig. 23.21, respectively. The gate is attached to AC ground since it is attached to a DC
source and the DC current source Iy is an AC open circuit. Interestingly, since the
values of r,; and r,, have been included, there is a feedback path through the basic
amplifier. However, this gain is very small compared to the feedback path through the
B network and is typically assumed to be negligible.

The open-loop analysis begins by evaluating the effects of the B network on the
basic amplifier using the rules stated earlier. The resistance, R B0 will be the equivalent
resistance seen looking into the f network from the input with the output node shorted
to ground. The equivalent resistance looking into the B network from the output, R 5o
will be calculated with the input shorted to ground.

Since we are using shunt-shunt feedback, A, will be defined as
Aop=—F=—" —5" — (23.47)

Solving the first term in Eq. (23.47), can be quite extensive if using standard circuit
analysis. A circuit technique based on two-port theory will greatly simplify the analysis.

VDD

'——-(% M2

Iy
——————4 Ml <
+ *i, R2 +

Vs E + > >
T R, 123

ls=l.1 iy

_ v_i (»PISS _

~

Figure 23.19 Shunt-shunt feedback amplifier.
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Figure 23.20 (a) Closed-loop small-signal model of Fig. 23.19 and
(b) method for determining the feedback network loading.

Figure 23.21 Open-loop small-signal model of Fig. 23.19.
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For example, the equivalent circuit for the gain, ;VZ- can be seen in Fig. 23.22a.
2

R
However, the circuit seen in Fig. 23.22b shows the equivalent circuit using an
equivalent transconductance, G, , and output resistance, R, The gain of the
equivalent circuit, and hence the actual circuit, is
12
¥ =GMRLeq (23.48)
ng

The value of R, can easily be found as
Rieg = RillR2 Rinpa (23.49)

where R, , is the resistance seen looking into the drain of M2. From Ch. 20, we know
that this resistance is

Rinp2 = [(1 + gm2R4)ro2 + R4 (23.50)

+ +
* *
Vg2 Guvg Rieg v2

)

Figure 23.22 (a) Solving a portion of Fig. 23.21, including the drain-to-source resistance,
and (b) the equivalent transconductance model.

The value of G,, is the short-circuit transconductance [2] and is defined as

*

% (Rpeq =0) (23.51)
Ve

Gu=

which means that the effective transconductance can be found by shorting the
equivalent load resistance, in this case R lIR,, and finding the gain from the short-circuit
current to the input voltage. As seen in Fig. 23.23, the equations used to find G, are

i = —gm2vgsr + 1 (23.52)
Vi =—ioRa (23.53)
Vi Ve = Vg2 (23.54)

and solving Egs. (23.52) - (23.54) yields
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>k

Gy=—=— 08" (23.55)
Vez  14+gmRa++2
vy
the gain, —=, becomes
Vea
vy = gmRIRM[(1 +gmRa)re +R
;_;2_= gm(RLIIRI[(1 +¢ 2R44)r02 4)] (23.56)
82 1 +gm2R4 + T
v*
Referring back to Eq. (23.47), the second factor, vg*z, can be found by analyzing
1
Fig. 23.21 as
* R
% R3+:+%
i L R 23.57)
vy 1+

R, il;

Figure 23.23 Circuit used to determine the equivalent transconductance.

The last term in Eq. (23.47) is simply the input resistance, R,, of the open-loop
circuit shown. Using a test source, we can determine this value to be

R
* 1+_§_
Ri==t =Ry =| —2 lIR, (23.58)
Is Lt S oy

Therefore, the entire expression for the open-loop gain, A4,,, becomes

. R R
&) - "gm2(RL”R2”((1 + gmaR4)ro2 + Ra)) ] gmR3 +7‘% _ 1+% ]”RZ 0
is 1+gmRa+ 1 1472 \gm+7s

(23.59)

AorL =

At first glance, this equation may appear quite daunting. However, notice that if r,, is
much greater than R,, R,, and R, and if r,, is much greater than R, , the open-loop gain
simplifies to

Aor = [common source amp with source resistance][common gate amp][R;]
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— gm(RLIIR2) 1
B ———— m R ' —_— .
Tt &R g IR, Q (23.60)
Equation (23.60) is typically used for discrete designs in which higher values of currents
are used, therefore requiring lower resistor values. However, active loads can easily be
used, as seen in Fig. 23.24. Here, the resistor, r,, now replaces R,. Since R, is a source
degeneration resistor, its value will be small. The active load that replaces R, is a

gate-drain connected device and equal to ?b' |704. And the resistor, R ., 1s now replaced

by r,s. Therefore, the open-loop gain of Fig. 23.24 can be written by using Eq. (23.29)
and making the proper substitutions:

Fo1

s To3
gm4”r04 1+','-% Lgml +;(1;_1-

1+gm2(g¢4nr,,4) y

— gmz(rOSHRZH(l +gm2('g-;1?4'”r04))r02 +§;1;4'”r04)) gmerB +.:L::.[_ 1 +.’;‘.’.§.
AoL = : : 173

(23.61)

which can be approximated as

5 —a&m R 1+ mllo
AOL:Ei;Z.z gn2(R2) gzer-(g}—n-l-HRz)Q (23.62)
s 1+gm2(;:l-4‘)

if it is assumed that r,, = r,; and that the discrete resistor, R, , is relatively small
compared to the impedances of the active loads. An active device could have been used
to substitute even the resistor, R,. This will be discussed further later in the chapter.

| M4

VBB2—4 | M3 |

__HJH:MZ

| 2

—————{ ML o
+ o »——-4\15 2
WA

g =11
- —>

+
W D

~

Figure 23.24 Shunt-shunt feedback amplifier using active loads.
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Next, the value of [ is calculated as

|
B = =~ mhos (23.63)
2 2

Again, note that A, is unitless and overall positive.

Now that all of the open-loop parameters, A,;, B, R;, and R, have been found,
the closed-loop values are easily calculated. The value for the closed-loop gain is

V2 AoL
A I e I e .
CL=7"=7 AP (23.64)
The closed-loop input impedance is
R;
Rinf=——= .
= TAop (23.65)
and the value for the closed-loop output impedance is
—p = Ro
Rof—Rout“ 1+A0LB (2366)

We should be able to see a trend in the feedback effects. Shunt mixing and
shunt sampling cause the input and output impedances to decrease by the factor (1 +
A, B). Similarly, series input mixing and series sampling cause the input and output
impedances to increase by the factor (1 + A,B).

. . VY o
In many cases, the overall gain is expressed in terms of a voltage gain, Vi Since

we have calculated the transfer function in terms of the current, i

, I, we can easily express
this in terms of v, by

Ya_ V2 _ 1
o ———”——_is(Rinf) ACL(RW) (23.67)

23.5.1 Simple Feedback Using a Gate-Drain Resistor

One of the most popular and simplest examples of shunt-shunt feedback is seen in Fig.
23.25 and consists of a simple inverting amplifier with a resistor connecting the gate
and the drain. The feedback resistor, R, , is usually a large value and serves several
important functions. When analyzing the DC characteristics of this circuit, the voltage
at the drain will be equal to the voltage on the gate, since there is no DC current flowing
through R, (when the input is AC coupled). This ensures that the device is always in
saturation and provides biasing with no other components needed. We will examine the
effects of R, on the AC response of the amplifier and soon discover that it has little
effect on the gain of the amplifier as well.

Figure 23.26a and b shows the small-signal models for the closed and open-loop
circuits, respectively. Since the feedback resistor sums current at the gate of M1, the
mixing circuit is shunt. And since the feedback is taken off of the same node as the
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R, -
Rm=Rmf fT + <___]
Is__s Eﬂ
[———> i V2=V,
Vi

Figure 23.25 Shunt-shunt feedback using a simple gate-drain connected device.

output, the sampling circuit is shunt. Therefore, the value of Ry, for the open-loop
model is found by shorting the output and looking into the feedback loop from the input,
and the value of R, is found by shorting the input and looking into the feedback loop
from the output.

R2 Ri
L k.
Yy T‘f e (._]
+ + + +
Vi gml"l%R} Tor V2 Vi Ry gmV] Yot R, I;T R, v5
@) ®)

Figure 23.26 Small-signal model of Fig. 23.25: (a) the closed-loop model and
(b) the open-loop model.

The open-loop values can be calculated as

Ao = -:l = ‘;—2 e @R JRA VA (23.68)
s 1
Ri=R, (23.69)
Ro=RilIRllrs (23.70)
and
ka1
B= =R (23.71)

Using Egs. (23.43) - (23.46), we find that the closed-loop values become
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K R R
Ag =22-_Ao __~8mNo = (23.72)
Ls 1 +AOLB 1 +gm1RoR2'Ez'
Rins = LA — R — and Ry = R - (23.73)

The value of R, is also equal to the value of R, since no source resistance is
associated with v,. Notice that the value of the closed-loop gain is dependent on
R,. However, most applications of this amplifier use voltage as the input
variable. Therefore, the value of the overall voltage gain becomes

2 _V2 ds 4o L -

V=T, vy mAa g =gmRo =—gm®: [IRllror)  (23.74)
and if the value of R, is chosen to be much larger than R, then its effect on the
AC midband gain is minimized.

Example 23.2

Calculate the gain, :—j, of the shunt-shunt amplifier in Fig. 23.27 assuming that
A =500,000 V/A, R, =10 Q, and R = 10 Q. Notice that the circuit is similar to
a simple inverting op-amp.

First, we will source transform the voltage source to a current source, since the
input mixing is shunt. The model of the amplifier is in terms of A, not A, ,
since we must now include the loading of the feedback resistor, and R, and R; in
the calculation of A,, . The basic amplifier circuit, a transimpedance amplifier
with units of V/I, has an ideal input and output impedance of 0 Q. Next, we
will determine the loading of the P network consisting of R, on the basic
amplifier as seen in Fig. 23.28. A, can be determined as

v RellR ) [ RIRr )
Aogr=22=—4. - I
o (RFHRL+R0) \R.\RF+R. )

ls
=-500,000 - 0.989 - 0.989 = -489, 060 V/A

2
10 kQ

Ly RS

—
VIV Amplifier
+
. 1kQ i |S R; Ai j ) R, Vo Ry
’ ll% - 1kQ

1

Figure 23.27 A transimpedance amplifier example.
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Amplifier
w_ Vs ir % : R, +
lg = Rs RS RF R,‘ Ali lf* RF RL V:
i | -

Figure 23.28 Open-loop transimpedance amplifier used in Example 23.2.

The value of B is easily calculated as

B= b o1 00001 A
vo Ry
And A, becomes
ACLzl)“ —489, 060 =-9.8kQ =Rp

i, 1+-—489,060 —0.0001

Since v, =I5 - R;, the overall voltage gain is given by

Vo _ Vo 1 1 9.8k Rr
Yo Yo 1y Lo 28k_ ggyy. Br
Vs is Ry cL R; 1k ? N R;

Notice that this is the gain of the standard inverting op-amp configuration. B

23.6 The Transconductance Amp (Series-Series Feedback)

A series-series feedback amp with open-loop values is shown in Fig. 23.29. Ideally, the
values of R, and R, are zero. The feedback resistor R, is in series with the input and
the output of the amplifier. Therefore, the input of the amplifier is a voltage, and the
output is a current. The units of A, will be I/V (a transconductance), and the units of
will be V/I (ohms). Transconductance amplifiers also have high-input and high-output
impedance.

The closed-loop gain of the transconductance amplifier is

lo Ao
AcL=5=—""——A/NV 23.75
L= = T Aosp ( )
The input impedance is again given by applying a test voltage to the input of the
feedback amp and calculating the current that flows into the input of the amplifier.
Also, the assumption that the feedback network does not load the amplifier will be used.
Setting v,,, = v,, i, = i, and writing a loop at the input of the amplifier give

test test
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Viest = Lrest * Ri +Vvr= Lrest  Ri+ B “AoL st Ri (2376)
and so the input resistance with feedback is now

Riy=222 =R, (1+AoLp) for R, — oo (23.77)

Ltest

keeping in mind that iz - R; =v;and Agr - vi =i,. The output resistance is determined
by applying a test current at the output with the input source shorted, and is given by

Viest = (Ltest "‘AOLVi) “Ro = [Zrest ~AoL- ("Bitest)] ‘Ro (23.78)
Since irest = iour, Vi = —Vy, and Ry, = 0. The output resistance is given by

Ry=-"2=R, - (1+AoLB) (23.79)

Ltest

The ideal transconductance amplifier has infinite output and input resistance. Again,
feedback helps to make the amplifier appear closer to the ideal.

lo
n Amplifier <— <7
Vs Vi Ri AOL‘”@ Ro%
//
+ B <
}L_BT Vf =Eio Network ‘o <_‘R Bo

<~

Figure 23.29 An ideal transconductance amplifier.

Now examine the transistor level circuit in Fig. 23.30. Notice the similarity to
Fig. 23.13, the circuit used in the series-shunt example; the only difference is the
location of the output connection. The feedback loops in both circuits are identical, so
the feedback in Fig. 23.30 is known to be negative.

Since the output and the feedback are connected to two separate terminals of the
output device, the output variable is a current, sampling i,.. The small-signal model for
this circuit is shown in Fig. 23.31 with the open-loop, small-signal model shown in Fig.
23.32. Since the output sampling is a current, loading of the B network will be slightly
different from that of the series-shunt example. The input utilizes series mixing;
therefore the loading of the B network on the output will be identical to the series-shunt
example discussed previously (Ry, = R, + R,). However, since the output sampling is

i
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l AN (_l
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< <
W " - (©) s ©
Vi Rg v R 2 iio Rs
Vs f 1 R b
. %
RDM
(@) ‘
Rp; L
‘—-» B Output device
Network "out-of-socket"

=

=

Rp,

A

Input device B
"out-of-socket" | Network
()
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Figure 23.31 (a) Closed-loop small-signal model of Fig. 23.30 and
(b) method for determining feedback loading.
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series, the equivalent resistance, Ry, will be the resistance seen looking into the [
network from the input, with the output device taken "out-of-socket” and Ry, = R, + R,

Once the open-loop model has been constructed, A, can be calculated as

i: i: Ve2
AoL=—5=——r (23.80)
Vs Vg Vs
i*
where the term, Vf , can be determined by using straightforward circuit analysis to
. 82
vV
solve vf and then dividing the result by R, ,
g2
i: Em2
= 23.81)
* Ry+Rs | (Ry+R (
Ver 1+ gmRy+ Rty
R;
+
+
Vs

Figure 23.32 Open-loop small-signal model of Fig. 23.30.

Ver . . . .
The term, vg* , is found by using the G,, method presented in the previous section on
§$

shunt-shunt feedback and is

Ver _ —gmi(R3ll[(1 + gmiRa)ro1 + RA)] mhos

L (23.82)
Vs 1+gmRa+ ;I-%
where R, = R II(R,+R,). The feedback factor, B, is
_ E.Z ___=Rsky
b= it  Rs+R;+R; (23.83)
And the closed-loop gain is simply
_lo__Aor
AcL= Vs = T+Aoip mhos (23.84)
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The value of R, is obviously infinite, resulting in an identical value of R Therefore,

R,=R,JIR;=R,,

inf "

Calculating R, for a series output requires some explanation. Examine Fig.
23.33. The value of R, is the value seen looking in series with the load resistor. In this
case, the value of R becomes

Rp
7:—+1
Ro=Ry+-2—— ~ R4+ -1 (23.85)

Tor T Em2 gm2
where Rp =R5s | I(Rl + R>)and the closed-loop value becomes
Rof=Ro(1+AoLB) (23.86)

Notice, however, that R, is not the same as R, , in this case. Typically, R, is
designated as the resistance in parallel with the load. Taking the resistance in series
with the load is not a practical specification. Therefore, the resistance R, can be

described as seen in Fig. 23.34. In part (a), it can be seen that R, = R (1+A,,) and that
R' =R~ R, If we want to find a value for R ,, using Fig. 23.34b, R, is simply

out®

Rou=RallRl;=Rall(Ros~ R4) (23.87)

*
ngVgsz

(—j Zf
' : ' . Rous
+ Feedback ' R4 - Feedback | pr
circuit - Cocircuit - 7 SR,
Z < Ror '
(@ (b)

Figure 23.34 Determining the output resistance of a series sampling circuit.
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23.7 The Current Amplifier (Shunt-Series Feedback)

The last feedback topology to be discussed is the shunt-series feedback amplifier, also
known as a current amplifier. As can be expected, both A, and B have units of I/I, and
we can expect the input impedance to be very low and the output impedance very high.
Figure 23.35 illustrates the ideal shunt-series amplifier with open-loop values included.
Based on past derivations, we can expect that

R;

Riﬂf= (1+AOLB)

(23.88)

and R, to be
Rof=Ro(1+AoLB) (23.89)
The derivations of this topology will be left to the reader in the Problems section.

The transistor-level circuit shown in Fig. 23.36 is similar to the shunt-shunt
topology, except for the placement of the output signal. The reader will also be asked to
analyze the shunt-series circuit in the Problems section.

—_—
> Amplifier . <<
% <~
i R; Aou}-@? Ré

—//
if:' Bio

s

Network

Rp: R
(in 2 0) ~ (i, 20)

Figure 23.35 An ideal current feedback amplifier.

Example 23.3
Examine the current amplifier seen in Fig. 23.37a. Using feedback analysis,
draw open-loop small-signal models and derive values for A,,, B, R, R,, R

out ?
and the overall voltage gain, %%

Notice that although this circuit is similiar to the cascode current sink, we can
also use it, though unconventionally, as a voltage op-amp. The analysis begins
by identifying the feedback circuit. The current summation that occurs at the
gate of M4 indicates that shunt mixing is utilized. Since the output and the
feedback are taken off separate terminals of the output device, the output
sampling is series. The open-loop model is seen in Fig. 23.37b. The only
loading on the input due to the feedback network is r,,, since M4 can be taken
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VDD

VDD
Roul

VSS (a)

1
R =—=—llr, ||r,,
1= rallre ®)

Figure 23.37 (a) Circuit used in Ex. 23.3 and (b) the open-loop model.
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"out-of-socket" (v,, = 0). The feedback does not load the output at all.
However, we must remember to include the controlled source for determining if.
The dependent source, g,,v,,, will not be included in calculating A, but will be
needed for calculating B. Solving this open-loop circuit for A,, yields (see
Problem 23.28):

A = iy Vs Ry _ ~gma(RLI((1 + gmaros)ros +70)) Ry  —gmaRy
oL=se=p- o= 7 e E T AJA
is Vs Rr 1+ gmaros + 75 R L+ gmaros +5=

The output, R,, is found by the same manner presented in the discussion of
series-series amplifiers and is

Ro=RrL+(1+gmaro3)rosa+re

Similiarly, the value of R, becomes

out

Rouw=Ro(1+AorB)-RIIRL
and R, is simply R,, with
R
Ry=—1—
4 1+AoLB

The feedback variable is if = gmVy, ==gmisres, and the value of B can be
calculated as

i’l‘
B= li =—gmros AJA
o

The overall voltage gain is

va_lo- R _ Ao Rp

1 ig-Ry 1+AoB Ry

V/V &

23.8 Stability

The previous sections illustrated the benefits of feedback and the corresponding tradeoff
in gain. However, a critical concern must be examined when applying negative
feedback. Some circuits will cause a phase shift in the input signal large enough that
the feedback becomes positive (the output adds to the original input), resulting in an
unstable system. The occurrence of instability can be minimized with some careful
analysis of both the open-loop amplifier, A, , and the feedback network, .

The loop gain is defined as
T=AoB (23.90)

Remember that the product of A, must itself always be positive. By examining
the frequency response of the loop gain, T, the overall stability of the system can be
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determined. The stability of the system can be summarized with the following rules and
is illustrated in Fig. 23.38.

Case 1: If the change in the phase of A, is equal to 180° and the
magnitude is below 0 dB, the system will be stable.

Case 2: If ‘the change in the phase of A,f is equal to 180° and the
magnitude equals 0 dB, the system may or may not be stable.

Case 3: If the change in the phase of A, is equal to 180° and the
magnitude is above 0 dB, the system will be unstable,

One might wonder why the 180° phase shift and the magnitude of 0 dB (gain of
1) are such critical factors. The answer may be better understood with a qualitative
rather than a quantitative explanation. In order for positive feedback to occur, the
output must be added back to its original input signal. The PA system example
illustrates this concept. If the loudspeaker, which represents the output of the system, is
added back to the input (the microphone), the system becomes unstable because the
amplifier is attempting to amplify its own output. The result is a loud, high-pitched,
ringing sound, which most people have unfortunately experienced.

In negative feedback applications, the addition of the feedback signal to the
original input occurs because of the additional phase shift introduced by the frequency
dependent components within A,, and B. Because the feedback signal is already

>

|Ao.pl, dB

Case 3
> & (Unstable)
Case 1

(Stable)

Case 2
(Threshold of instability)

N> ©
ZAoLB, " o \\ \

01

-180

®180

Figure 23.38 Stability analysis using the frequency response of the loop gain.
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inverted with respect to the input, an additional 180° of phase shift will cause the
feedback signal to be positive with respect to the input. It is this second 180° degrees of
phase shift that becomes the important concern. Thus, the frequency response of the
loop gain must be examined. The magnitude of 0 dB is also important. If the gain
around the loop is less than 1, the output settles to a stable value. However, if the gain
around the loop is greater than 1, the amplifier output grows and becomes unstable
quickly.

Assume that A ,; can be described with the following frequency response:

AoL(s) = __._._l_O__E
(1 +-1%)

Two poles exist at ® = 10 rad/s with a gain at DC equal to —10 V/V. Also assume that
B is frequency dependent and has a single pole at o = 10 rad/s:

(23.91)

—1
=— (23.92)
P (5+D
The loop gain then, is
10 1

s 2 L)
(1 + ‘1"5) ['{6 +1 )
The Bode plot of the loop gain can be seen in Fig. 23.39. It can be seen that since the

phase plot crosses 180° slightly before the magnitude plot crosses 0 dB, the system is
unstable.

AoB=

(23.93)

A more precise method of performing the same analysis will now be described.
We can use the exact formulas to solve for the exact frequency which the phase plot
crosses 180°. The phase of the loop gain, by definition, is

Arg[AoL(j0)B(jw)] = tan™ (ZO%) + tan~! (-z-(’-;-)++ tan™! G—%)

—tan™! (ﬁ"%) — tan~! (}-,@-) —....— tan™! (i)(%) (23.94)

where z,, z, . . . z, are the zeros in the system and p,, p,. . . p, are the poles. Since our
example has three poles at the same frequency and no zeros, the phase response of the
loop gain can be expressed as

ArglAoL(i)B(iw)] = —3tan~! (“’1—;*;‘1) =-180 (23.95)

where 4, is the frequency at which the phase response is equal to —180°. Solving for
4, yields

180 = 17.32 rad/s (23.96)
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|AoBl, dB

)
40 T

20

— 60 dB/dec

_..90..

— 180

i I | ) i
T

] 1'0.'\ 100 1000 10k

:0)130 =17.32

Y

gV

\4

! ] 1
1 10 100 1000 10k

Figure 23.39 Stability analysis using the frequency response of the loop gain.

The magnitude of the loop gain is defined as,

20Log|A o (j®)B(j)| = 20Log(A,) +20Log ()" +1 +20Log{ ()" +1 +..

2 )
+20L0g1[(;‘%)2+1 —20Log /(7,‘%) +1 —..— 20Log ’(1%) +1  (23.97)

where, z,, z,. . . 2, are the zeros of the system, p,, p,, . . . p, are the poles, and A, is the
midband gain. Plugging in the value for ®, into Eq. (23.97), we can solve for the

magnitude of the loop gain at the point at which its phase is —~180°:

20Log|A or(j)B(j®)| = 20Log(10) - 3[20L0g (LZ%Y *1 ]

(23.98)
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IAOLG(Dmo)BG(Dmo)I =1.94 dB (23.99)
which, using rule 3, verifies that the system is unstable.

Stability is typically measured using two specifications: gain margin and phase
margin. Gain margin is defined as the difference between the magnitude of A,,B at @,
and unity, whereas phase margin is defined as the difference between the value of the
phase at the frequency in which the magnitude of A, is equal to unity and g,
Figure 23.40 illustrates both definitions. It should be noted that phase margin is the
typical specification used for stability. Amplifiers should be designed to have a phase
margin of at least 45°, though 60° phase margin is more acceptable.

In our previous discussion, only the frequency domain analysis was considered.
The effect of phase margin in the time domain is related to settling time. As the phase
margin increases, less time is required for the signal to settle. As the phase margin
approaches 0°, the signal will oscillate indefinitely.

lAo:Bl, dB A
®o g
_ >
ZAaB,” A \}
j . Gain margin
180 Phase margin —> ' >
®180

Figure 23.40 Gain margin and phase margin definitions.

23.8.1 The Return Ratio

In some cases, it may be more practical to determine the loop gain from a system point
of view. One method used to determine a good approximation of the loop-gain
frequency response is to break the loop, input a test signal, and determine the returned
value back to the point that the loop was broken. This method is called the return ratio
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(RR) method. Consider the block diagram of the single-loop structure in Fig. 23.41
with the loop "open." The gain around the loop is,

Xf
RR=1=-T=-AoLp (23.100)

This gain represents the path from the input back around through the feedback network.
It should be noted that the RR method may vary quite extensively from the two-port
method in finding the value of A, but for purposes of plotting the loop gain frequency
response, the RR should be sufficient [3].

~xf Xi—{ AoL(jm)

(5]

Figure 23.41 Determining the loop gain by opening the feedback loop.

The RR is found by first replacing all independent sources with their ideal
impedances. Next, a dependent source is chosen, and the feedback loop is broken
between the chosen source and the rest of the circuit. An independent test source is
inserted at the node where the dependent source resided and a test signal is injected into
the loop. The RR is then the ratio of the returned signal (which now appears across the
dependent source) and the test signal, such that

Vr
RR =—v, (23.101)

An example will illustrate this method further.

Example 23.4

Determine the RR for the series-shunt op-amp circuit shown in Fig. 23.42a and
compare that value to the value A,,3 using the two-port method. Assume that
the op-amp can be modeled as shown in Fig. 23.42b.

Since there is only one dependent source in the circuit, deciding where to break
the loop is a simple endeavor. Next, the dependent source is separated from the
rest of the circuit, and an independent source, v,, is put in its original position as
seen in Fig. 23.43a. The returned signal is now across the dependent source. By
inspection, the value of the RR can be found to be

RIR. \ (_Re+R/lIR; )
AR, +R: ) \Ra+RIIR, +R, )

_ g _
RR=-3 =40 | = 49,726
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Figure 23.42 (a) A series-shunt amplifier used in Ex. 23.4 and (b) the model
used for the op-amp.

Next, the open-loop model for the original circuit is found using the two-port
analysis presented in Sec. 23.2. The circuit, taking the B network loading effects
into account, can be seen in Fig. 23.43b. The value of A,, is easily calculated as

v Ri+R, R,
T )( ]=99,497
oL=3F Ro+Ri+R2) \RilIR, +R;

The value of B by inspection is

U R
B-_ v; —R1 +R; =03
and the value of A,,f is
AyB =(99,497)(0.5) = 49,748

The two methods yielded very similiar answers. M

R,
+ + I~ Vo
AV,'=V,- v,
Vs
B R

2

Vi & RIR;
+

(@ (b)

Figure 23.43 (a) The model used to calculate return ratio and (b) the model
used for the two-port analysis of loop gain for Fig. 23.42.
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If A,B is frequency dependent, then the phase and gain margin of the circuit can be

plotted so as to determine the phase and gain margin. Now suppose that the circuit used

in Ex. 23.4 was frequency dependent as seen in Fig. 23.44. Using the same strategy

presented in Ex. 23.4 and using the RR method, the value of the loop gain becomes

_vr 49,726
Yt (s/200+1)°

The gain and phase margin can then be analyzed to determine if the system is stable
(see Problem 23.34).

(23.102)

R,
+ +
Vi R; Vo
Als) = 100, 000 :
(s/200+1)
(@ (b)

Figure 23.44 (a) A series-shunt amplifier used in Ex. 23.4 and
(b) the model used for the op-amp.
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PROBLEMS

23.1 An op-amp is designed so that the open-loop gain is guaranteed to be 150,000 x
10 percent V/V. If the amplifier is to be used in a closed-loop configuration with
B =0.1 V/V, determine the tolerance of the closed-loop gain.

23.2 What is the maximum possible value of [ using resistors in the feedback loop of
a noninverting op-amp circuit? Sketch this op-amp circuit when 3 = 1/2.
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233

234

23.5

23.6

23.7

Examine the feedback loop in Fig. P23.3. A noise source, v,, is injected in the
system between two amplifier stages. (a) Determine an expression for v, which
includes both the noise and the input signal, v.. (b) Repeat (a) for the case where
there is no feedback (B = 0). (c) If A, = A, = 200, and feedback is again applied
around the circuit, what value of [ will be required to reduce the noise by
one-half as compared to the case stated in (b)?

Figure P23.3

An amplifier can be characterized as follows:

100
A(s) = 10,000 - T VIV
A series of these amplifiers are connected in cascade, and feedback is used
around each amplifier. Determine the number of stages needed to produce an
overall gain of 1,000 with a high-frequency rolloff (at -20 dB/decade) occurring
at 100,000 rad/sec. Assume that the first stage produces the desired
high-frequency pole and that the remaining stages are designed so that their
high-frequency poles are at least a factor of four greater.

An amplifier can be characterized as follows:

A(s) = 1,000 —— V/V
(9)=1,000 7150
and is connected in a feedback loop with a variable B. Determine the value of 8

for which the low-frequency rolloff is 50 rad/sec. What is the value of the
closed-loop gain at that point?

Make a table summarizing the four feedback topologies according to the
following categories: input variable, output variable, units of A, , units of B,

method to calculate R 5 and Rﬂa, and expressions for A, , R,, and R;.

Using the two n-channel common source amplifiers shown in Fig. P23.7 and the
addition of a single resistor, draw (a) a series-shunt feedback amplifier, (b) a
series-series feedback amplifier, (c) a shunt-shunt feedback amplifier, and (d) a
shunt-series amplifier. For each case, identify the forward and feedback paths,
ensure that the feedback is negative by counting the inversions around the loop,
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VDD VDD VDD VDD
R; R3 R3 R
vm—{ M2 vm—i q|M2 VIN—cl M2 VIN Ao‘ q|M2
R4 R4 R4 R4
VSS AN VSS VSS
Figure P23.7 Figure P23.8 Figure P23.9 Figure P23.10

and label the input variable, the feedback variable, and the output variable.
Assume that the input voltage, v,,, has a DC component that biases M 1.

23.8 Repeat Problem 23.7 using the two-transistor circuit shown in Fig. P23.8.
23.9 Repeat Problem 23.7 using Fig. P23.9.
23.10 Repeat Problem 23.7 using Fig. P23.10.

For each of the following feedback analysis problems, assume that the circuit has been
properly DC biased and that MOSFETs have been characterized. The n-channel
devices have g, = 0.06 A/V and r,= 70 kQ. The p-channel devices have g, = 0.04 A/V
and r,= 50 kQ.

23.11 Using the series-shunt amplifier shown in Fig. P23.11, (a) identify the feedback
topology by labeling the mixing variables and output variable, (b) verify that
negative feedback is employed, (c) draw the closed-loop small-signal model, and
(d) find the expression for the resistors Ry and Ry,

VDD
R,
50kQ
M2
vl~——| M1 l’jm i
R3 <— Rout
1kQ +
Rz Rs R4 V2
100 Q AR S
AV

Figure P23.11

Microchip Ex. 1055, p. 596
Microchip v. Aptiv
IPR2024-00230



574

Part III CMOS Analog Circuits

23.12 Using Fig. P23.11 and the results from Problem 23.11, (a) draw the small-signal

23.13

23.14

23.15

23.16

23.17

open-loop model for the circuit and (b) find the expressions for the open-loop
parameters, A, , B, R,, and R and (c) the closed-loop parameters, A, and R, .

Note that finding R,, is a trivial matter since the signal is input into the gate of
M1.

Using the series-shunt amplifier shown in Fig. P23.13, (a) verify the feedback
topology by labeling the mixing variables and the output variable closed-loop
small-signal model and (b) find the values of R and R,

VDD
VBia2 —4|M2 L]
M3
VIN — M35
10 kQ <2 R
out

VBia.\'l

M1
v
i

HW %6 ’

Figure P23.13

Using the series-shunt amplifier shown in Fig. P23.13 and the results from
Problem 23.13, (a) draw the small-signal open-loop model for the circuit and (b)
calculate the open-loop parameters, A,,, B, R,, and R, and (c) the closed-loop
parameters, A, , and R ,. Note that Fig. P23.13 is identical to Fig. P23.11
except the resistors have been replaced with active loads.

Using the principles of feedback analysis, find the value of the voltage gain, :—Ii

and 3:-2- for the series-shunt circuit shown in Fig. P23.15.
2 ,

A shunt-shunt feedback amplifier is shown in Fig. P23.16. (a) Identify the

feedback topology by labeling the input mixing variables and the output

variables, (b) verify that negative feedback is employed, (c) draw the closed-loop

small-signal model, and (d) find the values of Ry and Ry,

Using the shunt-shunt amplifier shown in Fig. P23.16 and the results from
Problem 23.16, (a) draw the small-signal open-loop model for the circuit and (b)
calculate expressions for the open-loop parameters, A, , B, R,, and R, and (c) the
closed-loop parameters, A, , R,,, and R

in? out”
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Figure P23.15 Figure P23.16

23.18 Using the principles of feedback analysis, find the value of the voltage gain, %j—f—,

3:,—1-, and ‘:—2- for the shunt-shunt circuit shown in Fig. P23.18.
1 2

23.19 Using the series-series feedback amplifier shown in Fig. P23.19, (a) identify the
feedback topology, (b) verify that negative feedback is employed, (c) draw the
closed-loop small-signal model, and (d) find the values of R and R,

23.20 Using the series-series amplifier shown in Fig. P23.19 and the results from

VDD

VBiasl

Figure P23.18 Figure P23.19

problem 23.19, (a) draw the small-signal open-loop model for the circuit and (b)
calculate the open-loop parameters, A,, , B, R;, and R, and (c) the closed-loop
parameters, A, R,,, and R ..

23.21 Using the shunt-series amplifier in Fig. 23.35, derive the expressions for 4,,, R,
,and R .

23.22 Convert the shunt-shunt amplifier shown in Fig. P23.16 into a shunt-series
feedback amplifier without adding any components. (a) Identify the feedback
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23.23

23.24

23.25

R

23.26

23.27

23.28
23.29

topology, (b) verify that negative feedback is employed, (c) draw the closed-loop
small-signal model, and (d) find the values of R x and RBO.

Using the shunt-series amplifier from Problem 23.22, (a) draw the small-signal
open-loop model for the circuit and (b) calculate the open-loop parameters, 4,
B, R, and R, and (c) the closed-loop parameters, A, R, and R ..

in?

A feedback amplifier is shown in Fig. P23.24. Identify the feedback topology
and determine the value of the voltage gain, Yv—f, Rin, and R,y

Notice that the amplifier shown in Fig. P23.25 is a simple common source
amplifier with source resistance. Explain how this is actually a very simple
feedback amplifier and determine the type of feedback used. Determine A, and

B.

VDD
R,
200 Q% i, VDD
(_
A 10 kQ
Mi— 9 M 3 * Rout RL ¢ iZ
il > V2 GJ “ M1 * Raul
+
T+ L j v V2
L’ " Mﬁ‘ %2 1006
<~
Figure P23.24 Figure P23.25

A feedback amplifier is shown in Fig. P23.26.

and determine the value of the voltage gain, -1%,

Identify the feedback topology
Rirz s and Rout-

A feedback amplifier is shown in Fig. P23.27. Identify the feedback topology

and determine the value of the voltage gain, X% and Rour.

Prove that the expression for the open-loop gain of Ex. 23.3 is correct.

Determine if the amplifier seen in Fig. 23.45 is stable.
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VDD VDD

Figure P23.26 Figure P23.27

23.30 The op-amp shown in Fig. P23.30a can be modeled with the circuit of Fig.
P23.30b. With a feedback factor, B = 1, determine if the op-amp is stable (and

the corresponding phase and gain margins) for the following transfer function
and @, = 10°, 105, 107, and 5 x 10° rad/sec.

10, 000
(1 +j1—‘§—0-)(l +jws)

Vi + +
Vout Vi > Aoz,(j(D)
Vo—= -
(a) V-

(b)

AoL(jw) =

Vour

Figure P23.30

23.31 The phase plot of an amplifier is shown in Fig. P23.31. The amplifier has a
midband gain of —1,000 and 3 zeros at ® = o and three other unspecified poles.
If the amplifier is configured in a feedback configuration and B is frequency
independent, what is the exact value of P that would be necessary to cause the
amplifier to oscillate?

23.32 You have just measured the gain of the op-amp circuit shown in Fig. P23.32.
You know from basic op-amp theory that the gain of the circuit should be —-R /R,
V/V. However, your measurements with R, = 10 kQ and R, = 1 kQ revealed
that the gain was only -5 V/V. What is the open-loop gain of the op-amp?
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Arg[ﬁm(}'w)]

180

135

90 \
45 R
Vin

R

Vout

0

—45
Figure P23.32

0
1 10 100 1x 10k 100k IM

Figure P23.31

23.33 Using the circuit shown in Fig. P23.33 and the RR method, find a value of R,
and A, which will cause the phase margin to equal 45° at ® = 8,000 rad/sec.
The amplifier can be modeled as having an infinite input impedance and zero
output resistance and has a frequency response of
-A,

Als)= (s/200+ 1)(s/10,000 + 1)
T
ol up | 10k
Vin — AV {& — Vour
Ry

Figure P23.33

23.34 Determine if the system with a return ratio as described by Eq. (23.102) is stable.
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24

Differential Amplifiers

This chapter is concerned with the differential amplifier, an amplifier that amplifies the
difference between two signals. The diff-amp is a fundamental building block in CMOS
analog integrated circuit design, and an understanding of its operation and design is
extremely important. In this chapter, we discuss three basic types of differential
amplifiers: the source coupled pair, the source cross-coupled pair, and the current
differential amplifier.

24.1 The Source Coupled Pair

The source coupled pair comprised of M1 and M2 is shown in Fig. 24.1 [1]. The
MOSFET current mirror made using M5 and M6 is used to provide a source current for
the pair of Iy, Throughout this book unless otherwise stated, we will assume that M1
and M2 of the source coupled pair are of equal size, so that B, = §, = B. Summing the
AC and DC components of the current at the sources of M1 and M2 yields

Iss=ip1+ipm (24.1)

If we label the input voltages at the gates of M1 and M2 as v, and v,, we can write the
difference as

VDI =V —VR =VGs1 —VGs2 (24.2)
or because of the symmetry of the circuit

VGs1 =— VGs2 = % (24.3)

When the gates of M1 and M2 are grounded

I
Ipi=1Ipy = % (24.4)

Since we know that a saturated MOSFET follows the relation

Microchip Ex. 1055, p. 602
Microchip v. Aptiv

IPR2024-00230



580 Part III CMOS Analog Circuits

ip= g(sz - VTHN)2 (24.5)
the difference in the input voltages may be written as
vpr = J—%—(Jibl - yip2 ) (24.6)

Usihg Eqgs. (24.6) and (24.1), we can write expressions for the drain currents of the
MOSFETs in saturation in terms of the difference voltage as

2 2.4
im=1sl 1y || o _Pvor 24.7)
2 Iss 4ISS
and
2 2.4
im=lss] 1 |[Brer_Bvor 24.8)
2 Iss 4l
ID1+id1=iD}l l ipp=Ipy+im
Diff-pair
———l M1l M2 *————
+ +
vn vn
wp WV v
ilss
M5 { ”:‘ M6  Current source
T
AN

Figure 24.1 Differential amplifier.

In order to understand the operation of this amplifier, let's assume that v, = 0,
that is, the gate of M2 is connected to ground, so that v, = v,,. If v, is held at VDD;
then M2 is off and M1 conducts the current Iy (i.e., iy, = I, = Iy). If, for linear
operation, M1 and M2 are required to remain in the saturation region, then the point at
which the input voltage turns M2 off is the same point at which all of I begins to flow
in M1. If we label the input voltage at this point v, then setting Eq. (24.4) equal to
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I and realizing at this point that the source potential of the diff-pair is — V,,,, (due to
M2 starting to turn off), we arrive at

VDIMAX = Uss (24.9)

B

This result also holds for the case when v,,, is not zero or in general:
’2[
VDIMAX =Vl —Vp = -—BSE (24.10)
Example 24.1

Referring to the diff-amp of Fig. 24.1, if I, = 10 pA and W, = W, = 15 pm and
L, =L, =5 ym, determine and compare to simulations v, .

From Eq. (24.9) we have

2-10p ~ 364 mV
MA 15 -

v:'s

VDIMAX =

The simulation results are shown in Fig. 24.2, &

The minimum difference voltage, when all the current flows in M2, can be

determined in a similar manner as
21
VDIMIN = — }-———BSS (24.11)

I 12uA,
D
1 V DIMIN VDIMAX
BuA.
Input difference = 0
/ ID1 =.5u
4uh '
OA T T T —
—-600mV -400mV —200mV ov 200mV 400mV  800mV
o ID{M1

VDI
Figure 24.2 Transfer characteristics of the source coupled differential amplifier of Ex. 24.1.
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The transconductance gain of the differential amplifier is given by the slope of the
transfer characteristics in Fig. 24.2 between v,,,,, and v,,,, (when M1 and M2 are in
the saturation region). This large-signal transconductance is given by

_ dipi _ Iss VZBISS

- _8m
=% (24.12)

Gm_ — -
dvor 2 [2Iss/B 4

which is of the same form as the small-signal transconductance of a MOSFET. Note
that the transconductance can be increased by increasing I, or making the MOSFETSs
M1 and M2 larger (wider).

24.1.1 Current Source Load

The CMOS differential amplifier is most often used with a current source load as shown
in Fig. 24.3. Consider the case when the gates of M1 and M2 are grounded. Under
these circumstances, a current Ig/2 flows in M1-M4. The drain voltage of M4 is at the
same potential as the gate of M3/M4 (and the drain of M3). Therefore, the potential
difference between the drain of M1 and M2 is zero. The fact that the drain of M4 is at
the same potential as the gate of M3 is used to bias the next stage at a particular current
level. We can select the sizes of the devices similar to the method used in determining
the sizes of the current sources and sinks. We begin by selecting a minimum length
based on channel length modulation considerations. For the CN20 process, we will use
5 pm for the lengths. The widths are determined by the gate-source voltage of the
MOSFETs. In many designs, the W/L ratios of the diff-amp with current source load
are made very large. The voltage above V_,. may be only 0.1 V in these designs. In

THN
general, we will set V to 1.2 V in our designs. Note that the body effect when using

M3 :‘ })__.—ql k:MA,
voD :—”___‘Ml | Mzrj }—-+ Y our

M5 I % M6

Figure 24.3 Differential amplifier with current source load M3 and M4.
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the n-channel MOSFET diff-amp may increase the threshold voltage of M1 and M2 to
approximately 1.2 V. This simply means that the circuit we design will have a V of
1.5 V or 0.3 volts above V. The benefits of using an n-channel diff-pair in an n-well
process are better threshold voltage matching because of the body effect and lower
capacitance at the sources of the MOSFETSs to AC ground. In a practical case one
might use a p-channel MOSFET diff-pair (see Fig. 24.4) on the input of the amplifier in
order to eliminate the body effect.

<
r 3
o

M5 4 M6

yss " —% EJ
M3j t—*———l ltht Vout

Figure 24.4 P-channel differential amplifier.

Example 24.2

For the differential pair with current source load of Fig. 24.3, plot the transfer
characteristics using SPICE when I, =20 pA and W, = W, =15 um, W, = W, =
70 pum, while the length of the devices is 5 pm. Assume VDD =-VSS=2.5V.

In this simulation, we will ground the gate of M2 and perform a DC sweep of v,,.
The results are shown in Fig. 24.5. Note that when both inputs are at ground
potential the output voltage is 3.8 V. MOSFETs M1 through M4 have 10 pA
drain current, and the gate-source voltages are 1.2 V. The slope of this curve
around the v,, = 0 is the voltage gain of the amplifier, which we will determine
quantitatively later in the section. ®

Up to this point, we have only considered the difference between v, and v,,, with
the common voltage between the two being ground or 0 V. However, another important
issue that needs to be discussed is the range of common input voltages the amplifier will
continue to operate properly. In other words, if a common signal is input on the gates
of M1 and M2, a maximum and minimum voltage exists in which the transistors fail to
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y 40V
o
u
t
2.0V
\ Input = 0
0V- Qutput = 1.3V
—2.0V. y T T r r
-600mV -400mV ~ -200mV ov 200mV 400mV  800mV
-] V(VOU‘L)

VDI
Figure 24.5 DC sweep of the differential amplifier of Ex. 24.2.

stay in the saturation region. This range of common input signals is also known as the
common-mode range (CMR).

Consider the schematic shown in Fig. 24.6 of a differential amplifier with the
gates of M1 and M2 tied together. If v, starts at zero and is taken toward VSS, we will
reach a point where M6 will go into the triode region. The v, at this point is the
minimum input voltage allowed on the input of the diff-amp for linear operation. We
will label this input potential as

vy = minimum allowable input voltage - (24.13)

This minimum voltage is given by summing the voltages from the input of the diff-amp
to VSS when the input is at v,,,, and M6 is on the verge of going into the triode region
or

VGS of M1 or M2 VDS6 = VGSG_VTHN

VIMIN = %Si +Vran + Z—éﬁ + VSS (24.14)
V 1 *J 6

The maximum allowable input voltage occurs when v,,,,, is taken toward VDD and M1
and M2 go into the triode region. This occurs when

Vos1 = Vgs1 = Vran = Vp1 = Ve — Vray (24.15)

Since Vi, = v,,x, We get
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Vsas
"_—-——_,——_ﬂ

vimax = VDD — [ %S—S +Vmp} + Vrun (24.16)
3

Since V,,, is approximately equal to V,,,,, this reduces to

yax = VDD — /%?i (24.17)
3

The input common-mode range over which all the MOSFETs in the differential
amplifier behave linearly is then,

Positive CMR (or limit) = vuax (24.18)
and
Negative CMR (or limit) = viun (24.19)

We have not included the body effect on the threshold voltages in this derivation. This
omission can be justified by considering how we defined a MOSFET in saturation, that
is, Vps = Vs — Vrun, back in Ch. 5. We found that the MOSFET entered the saturation
region earlier than predicted by this equation because of the uneven charge distribution
in the channel. Including the body effect in this derivation would not help us predict
the common-mode range with any additional accuracy. Consider the following
example.

VDD
+
VI

s e

AN

Figure 24.6 Differential amplifier configuration used to determine input common-mode range.
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Example 24.3

Estimate and compare with simulations both the positive and negative CMR for
the differential amplifier of Ex. 24.2. Assume the MOSFET M6 used in the
current mirror has W, = 30 pm and L, = 5 um for an I of 20 pA.

We begin by calculating the positive CMR

vax=2.5— |-22HA o0y
1788 10
vz 5
and the negative CMR is
9 .
o= |22HA L og3s [2Z2MA s poav
BA 15 soka . 30
vz 5 vz 5

Figure 24.7 shows the current through M1 (/;/2 = 10 pA) and the drain-source
voltage of M1 plotted against a voltage applied to the gates of M1 (or M2 since
they are tied together). The negative CMR is shown in the figure as the point
where the drain current of M1 starts to go to zero. The positive CMR is set by
the point where M1 goes into the triode region (V5 < V5 — V). Note that the
sum of the currents, I, + I, , are not constant because of the finite output
resistance of M6, that is, the current I, increases as Vg increases. These
results will be used extensively in the design of op-amp circuits in the next
chapter. ®

[ 15uA
D
1 .
10u4 .
\ Shows negative CMR
SuA .
. VIMIN
oA o) :
v 5.0V . (a)
D MI1, M2
S triode
1
Shows positive CMR
ov. . - . i . .
-3.0V ~2.0V -1.0V ov 1.0V 2.0V 3.0V
a V(1)-V(5) o
Vi

Figure 24.7 (a) Drain current of M1 plotted against input voltage (gates of M1 and M2
tied together) and (b) the drain-source voltage of M1 going into triode.
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Now let's determine the small-signal gain of the differential amplifier of Fig.
24.3. Let's begin by assuming that the gate of M2 is at AC ground. The input voltage
is given by

Vil = Vgs1 — Vg2 = La1 - :9—}5 — g g_,l'n'z- (24.20)
Ideally, zero AC current flows into the drain of M6 so that
igi ==l =1lqand gm =gm2 = &m (24.21)
and
Vi = zd( g%n ) (24.22)

The idea that the drain current of M2 flows out of M2's drain rather than into the drain
is simply understood by thinking about how the overall AC + DC current changes.
Increasing v, causes I, to increase and i, to decrease. A decrease in the overall drain
current of M2 is taken to mean that the AC current is flowing out of the drain. This is
explained better with the use of Fig. 24.8. The current entering the output node is
composed of a current from the current mirror and a current from M2. The MOSFET's
M3 drain current is mirrored by M4, and the increase in drain current through M1 is
equal to the decrease in drain current through M2. The total current, 2i, is driven into
the resistance at the output node. The resistance looking into the drain of M4 is given
by

To4 = m (24.23)
while the resistance looking into the drain of M2 is
Rintop2 = roz(l +8m - :g_l,,]') = Yop (24.24)

VDlD
s
lid] lle +
_* o =ia F‘W

v

<

Figure 24.8 Differential amplifier with AC currents shown.
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The voltage gain of the differential amplifier is given by

_Your __ Vou _ 2id(r02Hro4) _
Ay = Vit~ Vi —Vp id“g' _gm(rt?ZHroci) (24.25)
Em
This gain can also be written
2B
1/_ (24.26)

A=
(A2 +ra) Iss

In other words, lowering the diff-pair bias current increases the gain at the price of
bandwidth and slew rate.

Consider the differential amplifier driving a load capacitance C, shown in Fig.
24.9. If an input step is applied to the diff-amp that goes from O to VSS, then M1, M3,
and M4 shut off. MOSFET M2 goes into the triode region, and the current I is applied
directly to the load capacitance. Under these conditions, the capacitor is discharged at
its maximum rate, called the slew rate. This rate of discharge is given, assuming that
the load capacitance is large compared to the output capacitance of the differential
amplifier, by

dv_Iss

= (Vius) (24.27)

It can be seen that if we applied a positive step pulse M2 would turn off and the current
through M1, M3, and M4 would be I . Therefore, the maximum rate at which the load
capacitance can be charged is given by this equation as well. When the capacitor is
fully charged, M4 cuts off and the current in M1 and M3 remains Iy In the derivation
of the slew-rate, we have neglected the MOSFET capacitances present in the output

VIID
ng__({ tm —

1
" Ml M2 gCL
Q_]ﬁs :;—’E Illss ,:lm

ﬁ

VSS

Figure 24.9 Slew-rate limitations of the differential amplifier.
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node. In the derivation of the amplifier's small-signal frequency response, we will not
neglect these capacitances.

Consider the schematic of the output node shown in Fig. 24.10. We know from
the derivation of the small-signal gain that the effective resistance to ground at this
node is approximately r,llr,,. The total capacitance at the output node to ground is
given by

Cror=CL+Cupa+ Cgas + Carp + Coaz (24.28)
The time constant at the output.node is given by

Tour = (7'02l |r04) “Chor (24.29)

The upper 3 dB frequency is given by

fout= 1

2T o

(24.30)

VD,

D
M4 |
Both nodes connected
to a small-signal resistance Coia T Cupa
of 1/gm, which we assume 4
S al

is small so that the node C

is connected to AC ground. |___‘”72.|| b
2

CL
Cet i
VSS M ‘—57

Figure 24.10 Capacitances at the output node used to calculate the frequency response of
the differential amplifier.

Example 24.4

For the differential amplifier shown in Fig. 24.11, calculate the slew rate and the
small-signal upper 3 dB frequency. Compare your hand calculations with
SPICE. Assume that the length of the drain implant regions is 6 pm and that
the width of the implant is equal to the width of the MOSFET.

We begin this problem by calculating the MOSFET capacitances. We will
approximate the drain depletion capacitances using the bottom zero bias
capacitance, or

Can=c¢j - 6 Um W, =1.04x 107 - 6p- 15 =9.4 {F
and
Cas=cj-6lL- 700 =137 fF
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The drain-gate capacitances of the MOSFETSs are given by
Cear =CGDO-W,=3.8x1071.15um =5.7 fF

and
Ceaa = CGDO - W4 =5x1071°- 70 um = 35 {F

The total capacitance is given by
Cior=2pF+137{F+35fF +9.4 fF+ 5.7 fF =2.19 pF

The slew rate is given by

The output time constant is given by

_ Com—t oo 1 -
T—(r02||r04) Cmt—?‘}\l{%g Ct01—00620uA 219PF—18 u.S

25V

l

M3, 70/5:1 Fﬂ——# L:M4, 70/5
Vout
22V H ':’Ml, 15/5 M2, 15/’5:1 ’—?7 Jg‘ CL=2pF

380 k 121
i ll” =20 LA
M5, 15/5 i I Ms, 30/5
T
—25V

Figure 24.11 Differential amplifier used in Ex. 24.4.

The upper 3 dB frequency is, from Eq. (24.30), 87 kHz. SPICE simulation
results are shown in Fig. 24.12. The SR is determined by pulsing the gate of M1
from O to — 2.5 V, while the gate of M2 is held at ground potential. The hand
calculations were very close to the simulation results. B

This example presents an important, but not obvious, problem encountered in
SPICE simulation. Consider what would happen if, during the SPICE simulation of the
slew rate, we pulsed the gate of M1 negative at the beginning or close to the beginning
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50m' 2.0v

o<
TE O <

ov. Output
Input

-2.0V

OV -4.0V
1.0KHz 3.0KHz 10KHz 30KHz 100KHz 300KHz 1.0MHz  14.8us 15.2us 15.6us 18.0us 16.4us 16.8us  17.2us
« V{Vout) 2 ¥(2) «V(Vout) )

Frequency Time

Figure 24.12 SPICE simulation results for Ex. 24.4.

of the simulation. Steady-state conditions would not have been reached in the circuit,
and the simulation would likely not converge. However, if we apply the input signal
after the circuit has reached steady-state conditions, say approximately 15 ps for the
present simulation, the simulation converges (and the frustration level is low). This
results in a general rule for simulating analog circuits in SPICE, that is:

When performing a transient simulation allow a considerable amount of time for
the circuit to reach steady-state conditions before applying the inputs.

24.1.2 Common-Mode Rejection Ratio

An important aspect of the differential amplifier is its ability to reject a common signal
applied to both inputs. Often, in analog systems, signals are transmitted differentially,
and the ability of an amplifier to reject coupled noise into each line is very desirable.
Consider the amplifier shown in Fig. 24.13. Since the input is no longer a differential
signal, the common source node can no longer be considered an AC ground. The
current source at the source of M1 and M2 has been replaced with its small-signal
output resistance. If we apply an AC signal to the gates of M1/M2, equivalent to saying
that a common signal is applied to the input of the differential amplifier, we can
calculate the common-mode gain. We begin by writing the AC small-signal
common-mode input voltage, v_, as

Ve = Vgsi2 + Zidras (24.31)

The MOSFETs M1 and M2 each source a current, i,, through the output resistance of
the current source, 7. This equation may be rewritten as

Ve=ig (gl,; +2r06) ~ig-2res (24.32)
The output voltage, because of the symmetry of the circuit, is given by
Vour = —ld ;g—’,—ln—g,_ =—ig- zg_’l"z (24.33)

Microchip Ex. 1055, p. 614
Microchip v. Aptiv
IPR2024-00230



592 Part ITI CMOS Analog Circuits

The common-mode gain is

Sgiree (24.34)
assuming g,, = g,,. 1he common-mode gain can be decreased (ideally it is zero) by
increasing the output resistance of the current source connected to the source coupled
pair. The difference-mode gain was given by Eq. (24.25) as lA,| = 8m1 (r02||r,,4). The
common-mode rejection ratio (CMRR), in dB, of the differential amplifier with current
source load is given by

Ay

CMRR = 201log | =% | =2010g |gmi(rozllros) - 2gmares| (24.35)
or in generic terms where the output resistance of the current source is R,
CMRR = 2010g [2g m1gma(roz! [7oa)Rous| (24.36)

Using a cascode current source can greatly increase the CMRR at the price of increased
negative common-mode range (CMR). Also, in this analysis we have only discussed
low-frequency CMRR. At high frequencies the capacitance at the sources of M1 and
M2 to ground (this capacitance is in parallel with the 7, in Fig. 24.13) dominates the
output impedance of the current source. The effect causes the CMRR to decrease with
increasing frequency.

VDD

Msjg__ﬂ{ bm

Vout

Mi M2 __‘

=" 4
S g KU |

% Y06

Figure 24.13 Differential amplifier configuration used to determine input CMRR.

24.1.3 Noise

Consider the diff-amp shown in Fig. 24.14, with the noise sources of each MOSFET
drawn in the schematic. From Ch. 9 we can write the mean squared noise current
generated between each MOSFET's drain and source as

KF-I3F ( AZ)

2=, +it=6kT [2pIp + ——L—, (2=

therm f C{)x i L2, Hz (2437)
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M3:1 1
}Dﬂ f
v%‘in +
. Vout oc
) r:'Ml idjj Vo . 6kT [2B1Ip
O s N Y
<~
" e V4 w;
Log scale f

1/f noise corner

®) ©

Figure 24.14 (a) Noise sources added into the basic differential amplifier and
(b) modeling the amplifier noise on the input and (c) total output
noise over a 1-Hz bandwidth.

The noise current generated in M1 (or M3) is mirrored in M4, so that the total mean
squared noise current at the output node is

) 2,2 ,2 .7
1T, our = In1 Tl g +lng (24.38)

This is assuming that M6 doesn't generate any noise current and we are interested in a
frequency range where the capacitances in the circuit do not come into play. The total
mean squared output noise is
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—_— — o — 2
V2 = (iﬁl i il + iﬁ4)(r,,2| Iros)”, @;) (24.39)

while the total mean squared input-referred noise is

v — — — ——

2 T out 1 2 2 2 )

VrI,in = A2 2 (lnl +ipt 2% +ln4) (2440)
Em

Both the thermal and 1/f input noise contributions can be reduced by reducing the
source coupled pair bias current, I;. Increasing the length of the load MOSFETs M3
and M4, relative to the length of M1 and M2, has the effect of making the input or
output 1/f noise contributions determined mainly by M1 and M2.

24.1.4 Matching Considerations

One important aspect of differential amplifiers is the dependence of the performance on
the matching of devices. Layout techniques can be used to minimize the first-order
effects of mismatch due to oxide gradients and other process variations. Interdigitation
was introduced in Ch. 20 when discussing current mirrors. However, a more effective
layout technique should be used when matching is critical, as is the case for the

D1 D2

G1 _“ M1 M2 ‘—G2

S1,2
(b)

NV
\
\
N
N
\
§ ;
§ :
§ A
\
\
N
N =

©

Figure 24.15 (a) Common-centroid layout for the differential pair of (b) with parasitic
matching (c) layout of MOSFETSs and common center.
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Chapter 24 Differential Amplifiers 595

differential amplifier. Common-centroid layout, as the name implies, constructs two
devices symmetrically about a common center in the layout. This allows the two
devices to cancel process gradients in both the x and y directions and exposes both
devices to heat sources in an identical manner.

As seen in Fig. 24.15, the source coupled pair is interdigitated in three separate
rows and alternately connected in the vertical direction. The common source node
(S1,2) intertwines the entire structure. Note how the layout is completely symmetrical
about the centroid (center). Although this layout technique is labor intensive, the
benefits would warrant the extra time required to minimize the nonideal effects.

The input offset voltage of a diff-pair, resulting from mismatches in threshold
voltage, geometrys and load resistances, can be determined with the help of Fig. 24.16
[2]. The value of the offset-voltage is given by

Vos = Vgs1 — Vs = Vrant + 2—‘?13-1- - Vrany — % (24.41)
\‘ 2

We can define the differences and averages of the threshold voltage, load resistance, and
geometry as AVyuy (Vigy — Viaw)» Vey (average of Vi, and Vi), AR, (R, = Rp,), R,
(average of R, and R,,), A(W/L) [(W/L)) — (W,/L,)] and A(W/L) [average of (W /L,) and
(W,/L,)]. Thus, we can make the appropriate substitutions into Eq. (24.41), requiring
IR, = I,R,,, with the result:

(24.42)

Vgs—V -AR;, AW/L
Vos = AV + LS5 THN.[ L A /)J

2 R (W/IL)

The threshold voltage mismatch must be reduced using layout techniques. Mismatches
resulting from unequal geometry and differences in the load resistance can be reduced
by designing with a small V (V close to V). This should be compared with Eq.
(20.38), which showed that using small V in a current mirror resulted in a large
mirrored current difference.

VDD

R Ri2

Figure 24.16 Determination of diff-amp input offset voltage.
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24.2 The Source Cross-Coupled Pair

The source cross-coupled pair is shown in Fig. 24.17 [3, 4]. This configuration is very
useful in practical circuit design. Assuming that both inputs are connected to ground
and that all n-channels and all p-channels are the same size, a current I flows in all the
MOSFETs in the circuit. Normally, we could design the circuit so that /o, = 10 pA and
the gate-source voltage is 1.2 V. This results in our already familiar sizes of 15/5 for

the n-channels and 70/5 for the p-channels.

VDD ll Dl I Dzl VDD
M11 M21
___F___l M1 M2 H—)———

— +

vi ‘(Vx vp Vi ‘I_'
- l_ Vbias Vibias

M4l h]' u\ M4 M3 ol

M31

ip2 iIp1 I
Iss 5§

Ml

M4

M2 Vo

Vbias
M3

(

AN VvsS§ Simplified schematic

Figure 24.17 Source cross-coupled differential amplifier, n-channel input devices.

With the gate of M2 grounded, the gate of M4 is at a constant potential that we

will label V,

bias

(or approximately —2.4 V with the above sizes).

We will label the

potential at the source of M1 and M4 as V. The input voltage can be written, assuming

that M1 and M4 remain in the saturation region, as

2i
vn= |=E 4 Ve+ Vogy

B1
and for M3

ip1= %(Vx + Viias — Vrap)*

>
Vi= 2oL Vbias + Vrap
'd Bs

Substituting this equation into Eq. (24.43) results in

Solving Eq. (24.44) for V, yields

(24.43)

(24.44)

(24.45)
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= J2ip { —_— ——j| Vbias + Vrap + Vran (24.46)

B JBs

When v, =0 the i), = I This equation can be rewritten as

ip1 = % - (v11 + Viias = Vrup = V) Pip: s (2447)
(JBr+ 5 )
while a similar analysis for i,, with v,, grounded, yields
ip2 = L (2 + Viias — Vrap — Vian)® Baps (24.48)

2

()

Normally, B, = B, and B, = B,. Note that the diff-amp output currents, i,, and i,,, are
available at both the top and bottom of the amplifier.

Earlier in the chapter we defined the difference in the input voltages as
VpI=Vi—vn (24.49)

Equations (24.47) and (24.48) can be written in the more general case by substituting
vp, for v, in Eq. (24.47) and - v, for v,, in Eq. (24.48).

An important characteristic of the source cross-coupled differential amplifier is
that as v,, is increased i, continues to increase and i, shuts off while the opposite is
true for when v,, decreases. In other words, the amplifier is operating class AB where
neither of the output currents is zero as long as their magnitudes remain less than /.
The maximum difference in potential between the two inputs so that neither output
current is zero is given by

[voasan] = = Viias + Vrup + Vo (24.50)

Example 24.5
Referring to the diff-amp of Fig. 24.17, if I, = 10 pA and all NMOS have a 15/5
size while all PMOS have a 70/5 size, est1mate and compare to simulations

Voumin:

We know that with these sizes and biasing current, the gate-source potential of
all MOSFETs is approximately 1.2 V. Knowing this, we get

v paawl ==2.4+0.91 +0.83 = - 660 mV

The simulation results are shown in Fig. 24.18 where v, = 0. This figure should
be compared with Fig. 24.2 where the drain current flattens out at I, It should
be obvious from Fig. 24.18 that source cross-coupled diff-amp does not exhibit
slew-rate limitations. The lack of slew-rate limitations results from the absence
of a current source in series with M1 or M2. B
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Figure 24.18 Transfer characteristics of the diff-amp of Ex. 24.5.
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Figure 24.19 Source cross-coupled differential amplifier, p-channel input devices.
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Chapter 24 Differential Amplifiers 599

The p-channel version of the source cross-coupled differential amplifier is shown
in Fig. 24.19. Normally, the type, p-channel or n-channel, version of this differential
amplifier used is dependent on the common-mode range (CMR). The n-channel version
has the best positive CMR, while the p-channel version has the best negative CMR.
Calculation of the CMR is presented in the next section.

24.2.1 Current Source Load

The source cross-coupled differential amplifier with active loads is shown in Fig. 24.20.
Note that we could have easily added a pair of active loads in series with the drain of
M1 and M4 to obtain a differential output amplifier. The small-signal gain of this

amplifier can be analyzed intuitively. Superposition will be used to find the gain from

the output back to each input. First, determine the small-signal gain, %);”1— with v,

grounded. Neglecting the bulk effect, we can see that the voltage gain from the gate of
M1 to the source of M1 is simply a common drain amplifier of the form

Vsl _ gmlRLeq

= 4.
v 1 +gm1RLeq (2 51)

where R,,, is simply the load seen by the source of M1. This can be found by using a
test source (as seen in Fig. 24.21) to determine the effective impedance seen looking
into the source of M3. This results in

y, l+4

R 4 EmsTo3 1 4.52
Leq it gm3+% 8m3 (2 S )

Therefore, the voltage gain from v, to the source of M1 becomes

1
L= _&m =S (24.53)
n 1 +gm1'§,'n'3'

The voltage gain from v to v, is the same form as a common gate amplifier. This gain
is

Vg9 1
% =8mg s (24.54)
And finally, the gain from the gate of M9 to the output is simply — g, o7 ll7,, and
1
Emig
% =~ g (rosI72s) (24.55)
1 + 8mi _3
em

Using the same type of analysis, we find that the expression from v,, to the output is

1
v Em2g e .
-‘% = ————g—’ﬁrgmg(r,,g l749) = [common source w/source resistance][common source]

1+gmgs

(24.56)
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Figure 24.20 Source cross-coupled differential amplifier, with current source loads.

Superposition can now be used to determine the total effect of each input on the output.
Therefore, if M1 and M2 are matched, as are M3 and M4, and if M5 and M6 are
designed so that their g, 's are equal as are M7 and M8, then the differential gain can be
expressed as '

1 1

Eml2gmss Vo Eml2g s
Vo= (Vi —vi)——E—g 8 9(rssllres) = T 8ms9(res 1709
+gm1,2 gm3’4 1 +gml,2gm3,4
(24.57)
It
iy + ¥
Vi 8m3Vsg3 ¥o3
M3 -
Ve # Ves Vg3
1
M5 8ms

Figure 24.21 (a) Simplified schematic and (b) small-signal model..
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The positive common-mode voltage range is determined in exactly the same manner as
with the source coupled diff-amp. The positive CMR is given by

VIMAX = VDD — %S‘i (2458)
v 6

Ves1 Vps3 Vas3
A e —— e ey

Vi = f%’fﬁ +Viay + J%is- + J%ﬁi +Vmy + VSS  (24.59)

The positive CMR is similar to the basic source coupled differential amplifier.
However, the negative CMR is considerably worse. Figure 24.22 shows a biasing
scheme that is useful for significantly decreasing the negative CMR of the amplifier at
the price of a small decrease in the positive CMR. Capacitors between the gates of
M1-M4, Fig. 24.20, eliminate the slew-rate limitations caused by the biasing current
sources charging the input capacitances.

while the negative CMR is given by

VDD VDD

e
L

1
vob |

VSS AN
Figure 24.22 Biasing scheme used to increase common-mode range.

An alternative current source load configuration is shown in Fig. 24.23. For
class AB operation of this differential amplifier, we cannot place both a current mirror
in series with the drains of M1/M2 and a current mirror in series with the drains of
M4/M3. The gain of this configuration is given by

Vout r02l|r06
Ay=—F—= 24.60
YTva-vi o L, 1L ( )
Emi1 Em3
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assuming g,, = g, and g,. = g, ..

This differential amplifier is useful as a direct replacement of the source coupled
pair, especially when slew-rate limitations are a concern. The bandwidth and CMRR
are approximately the same as the source coupled diff-amp, while the circuit complexity
and power dissipation are higher.

Vout
Mi11
+ ‘ j' +
vn M21 v
M41 M3
Iss Iss
1
VSS

Figure 24.23 Alternative current source load configuration.

24.3 Cascode Loads

The differential amplifier with current source load of Fig. 24.3 gave a voltage gain of
g, (r,llr ). For many applications this gain may be too low. Using a cascode current
source load in place of M3/M4 results in a gain of approximately g,r, (review Sec.
22.2.1). This modest improvement in gain can be increased by cascoding M1 and M2
as well. Figure 24.24 shows the resulting circuit configuration. The MOSFET MC6 is
selected so that its V; keeps M1/M2 and MC1/MC2 in the saturation region. The gain
of this configuration is given by

Ay = gm(Rinto DC2”RintoDC4) (24.61)

The resistance looking into the drain of MC2, assuming M2 and MC2 are the same size,
is given by

RioDC2= gm2 " T2 (24.62)
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Figure 24.24 Cascode differential amplifier.

and the resistance looking into the drain of MC4, again assuming MC4 and M4 are the
same size, is given by

RintoDCt = Ema * Ty (24.63)
The gain of the cascode differential amplifier may be written as
Ay= Em1 (ngrgz' |gm47‘34) (2464)

The main drawback of using the cascode differential amplifier is the major
reduction in positive common-mode range. In the negative direction, v,,,, is identical to
the source coupled diff-amp discussed in Sec. 24.1. The minimum common-mode
voltage is limited by M6 becoming nonsaturated. Hence,

Bs Bi2

The positive common-mode signal is limited by the additional circuitry required
by the cascode loads. Notice that v,,,, in this case will be limited by the amount of
voltage necessary to keep M1, MC1, MC3, and M3 in their respective saturation
regions. However, an interesting fact concerning this circuit is the DC feedback caused
by MC6. Since the current through MC6 is constant, v, will be constant. Therefore,

20Iss+1
VIMIN = ‘/_g__gg___@_agl + J'{'Sﬁ" + Vrani 2 + Vss (24.65)
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as the common-mode voltage on the gates of M1 and M2 begins to increase, the drains
of M1 and M2 will normally decrease. However, since the current through M1 and M2
is also constant, the common source node, marked as node B, also begins to increase.
Thus, node B (the gates of MC1 and MC2) also increases. The currents through MC1
and MC2 are also constant; thus, the value of v, will attempt to stay constant,
pulling the drains of M1 and M2 up. This feedback action attempts to keep M1 and M2
from going into nonsaturation. Therefore, the maximum common-mode voltage, v
will be limited by MC1 and MC2 going into nonsaturation. This occurs when

IMAX *

Vpsc1 = VeGscl = VTHCL (24.66)

where the voltage on drain of MC1 (and MC2) is

VDC1 = VDD —VS§G3 — VSGC3 (24.67)
and the voltage on the gate of MC1 (MC2) is

VGC1 = VINMAX —VGS1 +VGSCé (24.68)

Plugging into Eq. (24.66) and substituting for the values of V,

vinmax = Vpp — Is _ |Is _ |ls + 2lons —2Vrup+ Vran (24.69)
B1 Bes Ba Bcs

This assumes that the threshold voltages for all the n- and p-type devices are
approximately the same. Example 24.6 will illustrate the degraded CMR for the
cascode loaded diff-amp.

Example 24.6

Determine the size of M6, MC6, and MB1-MB3 in Fig. 24.25 so that M1 and
M2 remain in saturation. Assume I is 20 pA, and estimate the gain of the
configuration and the common-mode range.

The gate-source voltage of M1/M2 or MC1/MC?2 is determined by solving

_I_si ﬁa
2

Therefore, the minimum voltage from the gate of MC1 to the source of M1 (in
other words V4 ) is the sum of Vg + Vi, Or approximately 1.5 V. If we
design for I, = 10 pA, we can solve for the size of MC6 with

= (Vos—Vmw)? = Ves =1.2V

HA

50=
10 pA = —2 SW“’ (1.5-0.83)> = Wes = 5 um
Since a current of 10 pA flows in M5, we set MB3 to the same size, that is, 15/5,
so that its drain current is 10 pA as well. MOSFETs MB2 and MB1 form a
current mirror. The drain current of MB3 is mirrored in MB1. We can set the
sizes of MB2 and MB3 to 70/5. The only remaining MOSFET needing size
specifications is M6. The total current that flows in M6 is Igs + Iy, = 30 A, so
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Figure 24.25 Cascode differential amplifier used in Ex. 24.6.

its size is set to 45/5. The gain of the cascode differential amplifier is given,
with the help of Eq. (24.64), by

A= 55&%[555%(8331()”170&2—(8331()2} =1,175 VIV
ViV v

A noncascode configuration has a gain in the neighborhood of 50 V/V.

The common-mode range will be calculated from Eq. (24.65) and Eq. (24.69).
Here the value of v, becomes

VIMIN = 3654+ .365+.83-5=-3.44V
and the value for v,,,, becomes

Vimax =5—.365-.289-.289+.632-2(.91)+.83=3.77V B

24.4 Wide-Swing Differential Amplifiers

An increasingly important concern with the advent of low-voltage design is the need for
improved common-mode range. A technique used to extend the allowable input swing
of a diff-amp is to use two complementary diff-amp stages in parallel [5, 6] as shown in
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Fig. 24.26. To understand the operation of this circuit, consider the case when the DC
component of the input signal, v, , is such that both diff-amps are on (and the AC
component is small compared to the DC). The current through the diff-pairs M1/M2
and M9/M10 is I, while the current through the summing MOSFETs M4 and M12 is 21.
If MS is the same size as M4 and if M7 is the same size as M12, then a current 27 flows
in the output transistors. The small-signal voltage gain, assuming g,, = g,, and g,, =

&,.100 18 given by

(gml +gm9) _ 1/251[ + 1’2{391
M2l +As2l — 2I(Ag +Ls)
If the input is such that the p-channel diff-amp is on and the n-channel diff-amp is off,

then a current / flows in the summing MOSFETs M4 and M12 and zero current flows
in M1, M2, M3, and M6. The current that flows in M5 and M7 is now I. The

small-signal voltage gain is
‘/2[391

Ay=(8m +8m9)[ro7(21)”r05(21)] = (24.70)

Ay = gmolrar(Dlres(I)] =m (24.71)
VDD
I(or O)l l] (or 0) lZI (or I if one lZI (orl)
diff-amp is on)

g AL R SR
e oo |

—® ! M1 M2
Vin I . —Vour
e ol o

I(or0 21 (or Iif one ¢ 2 2I (or 1)
‘L (or0) ‘l’ diff-amp is on) ‘L

VSS All n-channel MOSFETs 20/5
and all p-channel MOSFETSs 60/5

Figure 24.26 Two parallel differential amplifiers used to increase input swing.
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The small-signal gain when the p-channel diff-amp is off and the n-channel diff-amp on

is given by
J2B11

A= gmlroDlirs(D) = 5 =5 =

(24.72)

It is desirable to have a smooth transition from having a single diff-amp on to having
both diff-amps on. If we require

B1 = B9 = B —3 Gm —= ZBI (2473)
then Egs. (24.70) through (24.72) can be rewritten as
Ay =G - [ran(D1ros(D)] (24.74)

For low distortion a constant gain is important. Also, for a stable amplifier it is
important that the amplifier can be compensated (more on this in Ch. 25) to ensure
stability. An amplifier with a gain dependent on the input signal amplitude is difficult
to compensate.

The amplifier of Fig. 24.26 is called an operational transconductance amplifier
(OTA). OTAs are very useful in CMOS analog circuit design. If we set the size of the
n-channel MOSFETs in Fig. 24.26 to 20/5 and the p-channel MOSFETs to 60/5 (to
satisfy Eq. [24.73] with KP, = 50 pA/V? and KP, = 17 pA/V?) and the current I = 1 pA,
then the small-signal gain of the circuit, using Eq. (24.72) with A = 0.06, is 166 V/V (=
A,). SPICE simulations (using the BSIM model) with VDD = |VSS| = 2.5 V resulted in
a gain of 240 with common-mode input voltages of 2, 0, and — 2 V. Cascoding M5 and
M7 can increase the gain of the OTA.

24.4.1 Current Differential Amplifier

Another wide-swing differential amplifier is the current differencing amplifier. The
current diff-amp is shown schematically in Fig. 24.27. In the following discussion, let's
assume that M1 through M4 are the same size. If both i, and i, are zero, then a current
I flows in all MOSFETs in the circuit. Now assume that #, is increased above zero, but
less than Ig. This causes the current in both M1 and M2 to increase. As a result, the
drain current in M3 decreases in order to keep iy, + i,, = 2I;,. The decrease in M3 drain
current is mirrored in M4, forcing the current i, out of the diff-amp. A similar
argument can be made for increasing I, ; that is, it causes the output of the differential
amplifier to sink a current equal to i,. Ratioing the sizes of M1-M4 can be used to give
the diff-amp a gain or to scale the input currents.

The input impedance of the current differential amplifier is simply the
small-signal resistance of a diode connected MOSFET, or

Rin= -1 (24.75)

T gn

This configuration finds applications in both low-power and high-speed circuit design.
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Figure 24.27 Current differential amplifier.

24.4.2 Constant Transconductance Diff-Amp

A rail-to-rail differential amplifier made using n- and p-channel diff-amps is shown in
Fig. 24.28 [7,8]. It is desirable, for distortion and compensation reasons, that the
overall transconductance of the diff-amp remain constant independent of the region of
operation, that is, operation with both n- and p-channel diff-amps on or only a single
diff-amp on. A constant g is guaranteed over the input range if

8m=8mn+8m = 2Pnln + J2B,I, = constant (24.76)

where g, and g, , are the transconductances of the n- and p-channel diff-amps and g, is
the overall transconductance of the input stage. Since 3, and {3, are constant and can be
made equal, Eq. (24.76) can be rewritten as (assuming both diff-amps are operating),

,/-I-,,— + ﬁ; = constant (24.77)

This equation always holds if both differential amplifiers are on. The problem with
nonconstant transconductance occurs if only one diff-amp is on. If, for example, the
common-mode input (common input voltage on the + and — inputs of the differential
amplifier) is large enough to shut the p-channel diff-amp off, then I = 0 and the
transconductance of the overall input diff-amp changes.

The solution to this problem begins by making
Li=1,=1, (24.78)

When both diff-amps are on (keeping in mind we have already set the requirement that
B, =B,). Eq. (24.77) reduces to

2,1, = constant (24.79)
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Figure 24.28 Rail-to-rail differential amplifier.

If we add a current of 3/, to I, (or to 1) when the p-channel diff-pair (n-channel
diff-pair) is off, the transconductance of the pair is constant, or

both on n diff-amp on p diff-amp on

Ay
2Jl, = Bl+l, = 3L+, if I,=1,=I, (24.80)

An example of a constant-g, rail-to-rail input stage is shown in Fig. 24.29. The
summing circuit of Fig. 24.28 is not shown in this figure. MOSFETs M1-M4 make up
the p- and n-channel diff-pairs, while MP1 and MN1 source the constant current I,
when both diff-pairs are on. (MP1 and MN1 represent the constant current sources
shown in Fig. 24.28.) When both diff-pairs are on, the current out of each current
diff-amp is approximately 0. (The drain current of M6 and M7 is approximately 0.) If
the common-mode input voltage becomes large enough to shut the p-channel diff-pair
off, then MOSFETs MS1 and MS2 are off as well. This causes the current in M5 to
become I,. The current in M6 mirrors the current in M5. Since M6 is three times
larger than M5, the current in M6 becomes 31,

Discussion

In general, the constant-g, diff-amp is used in an op-amp to keep from
overcompensating the op-amp and to avoid distortion when the op-amp is used with
large signals where the diff-amps, on the input of the op-amp, are turning on and off
with variations in the input signal. Several practical problems exist with these uses of
the constant-g, diff-amp. Since the value of g, may vary with process variations by 20
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Figure 24.29 A wide-swing diff-amp with constant gm.

percent we may still overcompensate an op-amp design. Using the constant-g,_ stage to
avoid overcompensation is useful, but since we may over- (or under-) compensate the
op-amp with process variations, the added complexity and power draw may not yield
improvements justifying the additional circuitry. Using the constant-g  stage to avoid
distortion is based on keeping the unity gain frequency of an op-amp, f,, a constant
independent of the common-mode input voltage. In practice, mismatches (threshold
voltage and geometry) in the input diff-pair and changes in DC biasing conditions,
resulting from the diff-amps turning off and on, can cause distortion. In some cases,
this distortion can be worse than the distortion resulting from the nonconstant f, (which
we get with the nonconstant g, diff-amp). The distortion resulting from mismatches
can be modeled as an offset-voltage that is dependent on the input common-mode
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voltage. Since the DC currents sourced or sinked from a constant-g, diff-amp are not
constant, the DC operating point of the circuit summing the currents changes with the
input signals' amplitude. The result is a change in the low-frequency gain and added
distortion.
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PROBLEMS

24,1 For the diff-amp shown in Fig. P24.1 determine the drain current of M1 as a
function of the input voltage, v, - v,,. Show your work and neglect body effect.

VDD VDD

Figure P24.1
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24.2

24.3

24.4
24.5

24.6
24.7

24.8

Repeat Ex. 24.1 if the widths of M1 and M2 are increased to 100 pm.
Determine the transconductance of the diff-amp. Write i, as a product of g_ (=
8m = &m) and v, (with v, = AC ground), v, (with v, = AC ground), and v, - v,,

Using the diff-amp topology shown in Fig. P24.3, design a circuit that will
change a 1-V square wave into a 0 to 5 V square wave at 1 kHz. Note that many
of the MOSFETs in this circuit are operating in the cutoff, saturation, or triode
regions.

+5V
- 5
__m —%D‘*/
I 0
+5V va ___I I\izl:' +5V
(Try DC 1.25V) ll s (TryDC 1.25V)
M5 i |l: M6

.%7 Figure P24.3

Simulate the operation of the circuit designed in Problem 24.3.

Determine the small-signal gain and the input common-mode-range (CMR) for
the diff-amps shown in Fig. P24.5. All n-channels are 15/5, all p-channels are
70/5, and the resistors are 3.8 MEG.

Verify the results of Problem 24.5 using SPICE.

Estimate the slew-rate limitations in charging and discharging a 1 pF capacitor
tied to the outputs of the diff-amps shown in Fig. P24.5.

For the n-channel diff-pair shown in Fig. P24.8, show that if the body effect is
included in the analysis of the transconductance, the following relationships are
valid.

, b
g1 = %[Vil -Vl - %n-‘[vn +vil

b
-g‘g—[vil +vial

Remember that when the body of the n-channel MOSFET is not drawn, it is
connected to VSS.

Iy = "'gzﬁ[vil —val-
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+2.5V +2.5V
: i
M3 })-‘——4 M4
M5 F“H M6
Vout |
+25V V11~’ M1 M2 i— vn '
vn -c{ F— 1%7)
2.5 Ml M2

Vout

—25V —25V
Figure P24.5

J{i(n iidz
Vil‘_“‘ M1 M2 }—v,-g

Vit +Via
Figure P24.8 2

249 The diff-amp configuration shown in Fig. P24.9 is useful in situations where a
truly differential output signal is needed. Determine the following:

(a) The transconductance of the diff-amp.

(b)  The drain currents of all MOSFETSs in terms of the input voltages and g,
(the transconductance of an n-channel MOSFET).

(¢)  The small-signal voltage gain, (v,, = v, (v, — vp).

24.10 Determine the CMRR of the diff-amp shown in Fig. 24.13 if a cascode current
source is used for the tail current, that is, I

24.11 Develop an expression for the CMRR of the diff-amp of Fig. 24.13 as a function
of frequency, assuming the current source output impedance can be modeled by a
simple capacitor. Assume that the parasitic capacitance on the drain of M4 is
negligible.

24.12 Determine the RMS input noise voltage for the diff-amp of Ex. 24.2 over a
bandwidth of 1 to 1 kHz. Assume KF = 10 V?F and AF = 1.3.
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VDD
T

SRR

Vo1 —VO2

SN o

All n-channels are 15/5. 21
All p-channels are 70/5. 5

24.13

24.14

2415

24.16

Figure P24.9

Verify the calculated noise voltage determined in Problem 24.12 with SPICE
simulation results.

Repeat Ex. 24.5 if the MOSFETSs (both n- and p-channels) used in the diff-amp
are 100/5.

Determine the small-signal gain of the amplifier shown in Fig. P24.15. Also
determine the input CMR of the amplifier if the minimum voltage across a
current source/sink is 0.3 V.

Repeat Problem 24.15 if the active current source loads M6/M8 and MS/M7 are
replaced with wide-swing current mirrors, Fig. P24.16. Note that the CMR of
the amplifier remains unchanged if V,,_is selected correctly; see the discussion

ias

in Sec. 20.2.
VDD VDD
- 4 R
M6 *:)—»——c{ MS }:)——1»——(:* l:
Replace with
—eeee——
Vbias j% 4 t

Figure P24.16
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+2.5V
It

4w

Mi11 M21
+ }; li j }] + L Vout
v vn
[
All n-channels are 15/5.
All p-channels are 70/5.
Figure P24.15 The current sources/sinks are 10 pA.

All unlabeled n-channels 15/5.
All unlabeled p-channels 70/5. M3j §?1 4 l:M4
'—i l: M7
25V |

——‘{ M1 M2

+ | +

380k Vi ’ v
1 |J | v
M5 ”“[ M8

Figure P24.19 —25V
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24.17
24.18

24.19
24.20
24.21

Repeat Ex. 24.6 if I o is 2 pA.

If VDD = - V8§ =2.5V, Iy = 10 pA, and an n-channel MOSFET size of 15/5,
estimate the input CMR (in current) for the current diff-amp of Fig. 24.25.

Determine v /v,, for the circuit of Fig. P24.19. This circuit is a voltage follower.
What is the purpose of MS1/MS2 and MS3/MS4 in the diff-amp of Fig. 24.29?

Show that the output current of the circuit shown in Fig. P24.21 is related to the
square of the difference of the input voltages, v,, and v,,.

VDD

M31

VsS AN Figure P24.21
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25

Operational Amplifiers

The operational amplifier (op-amp) is a fundamental building block in analog
integrated circuit design [1-3]. A block diagram of the two-stage op-amp with output
buffer is shown in Fig. 25.1. The first stage of an op-amp is a differential amplifier.
This is followed by another gain stage, such as a common source stage, and finally an
output buffer. If the op-amp is intended to drive a purely capacitive load, which is the
case in many switched capacitor or data conversion applications, the output buffer is not
used. If the op-amp is used to drive a resistive load or a large capacitive load (or a
combination of both), the output buffer is used.

Since it is difficult to characterize a packaged op-amp that cannot drive a
resistive load, we will begin the chapter with a discussion of the two-stage op-amp with
output buffer. Design of the op-amp consists of determining the specifications, selecting
device sizes and biasing conditions, compensating the op-amp for stability, simulating
and characterizing the op-amp A, (open-loop gain), CMR (common-mode range on the
input), CMRR (common-mode rejection ratio), PSRR (power supply rejection ratio),
output voltage range, current sourcing/sinking capability, and power dissipation.

Used to lower the gain at high frequencies (compensation).

ce . —

Im jmvx/descurrent gain
—1F
Vdi Aq Vour
Diff-amp Gain stage Buffer

Figure 25.1 Block diagram of two-stage op-amp with output buffer.
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25.1 Basic CMOS Op-Amp Design

One possible op-amp design is shown in Fig. 25.2. We will use this configuration to
illustrate the design of a CMOS op-amp.

Selection of the Differential Amplifier Bias Current, I

Selection of the current I is determined by gain, CMR, CMRR, power dissipation,
noise, matching considerations and slew rate. (If slew rate is a concern, the source
cross-coupled diff-amp should be considered for the first stage of the op-amp.) The
small-signal gain of the differential amplifier is given in Eq. (24.25), or

2/B 2

Oz +r)Tss 2+ (Vos = Vi)

In addition to selecting Iy, we must determine a Vg of the MOSFETs. Often, selection
of the bias current is an iterative process: that is, we select a bias current and verify that
the above characteristics of most importance are met. In general, the larger (increasing
W while holding L constant) we make the MOSFETS in the differential pair at a given
bias current, the lower V,;, CMR is increased, noise is lowered, matching is better, and
gain is increased (from the increase in B). The main drawbacks are increased layout
area and parasitic capacitances (and thus lower speed).

Ar=gmi(roallros) = (25.1)

VDD

e e
VoD :_”; ,j}—i SHM” H—p@
- lJim v_z ior }fﬂﬂa M10

M5 ’ | 0 | M8
’—IM6 I

Differential amplifier * Common . Output
' source . buffer

Vour

Figure 25.2 Operational amplifier with output buffer.
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We may start by selecting I, = 20 pA and V= 1.2 V, which results in the
differential amplifier of Exs. 24.2, 24.3, and 24.4 and Fig. 24.11. When designing an
op-amp for off-chip use, the MOSFETs used in the differential input stage normally
have widths in the several hundred pm range. For the same I this increases the
open-loop gain of the op-amp while decreasing V,, (a desirable effect to improve
op-amp common-mode range).

Selection of Device Sizes

The next step in the design of the op-amp is selection of the second-stage biasing
current. The same considerations that applied to selection of the differential amplifier
biasing current apply to the selection of the second-stage biasing current. It would be
helpful at this point to review Fig. 20.3. With both inputs to the op-amp, (i.e., the gates
of M1 and M2), at the same potential, the same current flows in M3 and M4. The result
is that the drain of M4 is at the same potential as its gate. If we want to set the current
that flows in M7 at 10 pA, we simply size it the same size as M4. If we want 5 pA to
flow, we size M7 so that its W/L is half of Md4s, that is, 35/5. We then size M8 so that
its drain current, 10 YA in the present case, is equal to the current in M7. The gain of
the second stage is given, assuming that 1/g, 4, + 1/g,.,,, is small compared to r_|lIr ;, by

~J2B7Io7 _ )

Ary=-— m7 " (Yo H 08) = = 25.2
2= g (Torilres) M +Ae)pr (A7 +As)(VsG — Vrap) @>2)
The open-loop gain of the op-amp is given by
Aor=A1-Ar=gm (7‘02”7‘04) = gm7(ro7H7'os)] (25.3)
If we use the sizes of Fig. 25.3, the open-loop gain of the op-amp is
grl (7'02“1‘94)'(7‘,,7”7‘08) g;"j
I N r A i - \
HA 15 1 HA 70
Aorl=12-50=— .12 . 10uA - 2175 2 10uA
Aol \/2 05z 75 10k [(0.06+0.06)IOMA} J 175275 100
= A4
=2,600 N,

Decreasing the bias currents to 1 pA will increase the open-loop gain by a factor of 10.

The output stage is a class AB type discussed in Ch. 22. The MOSFETs M91
and M101 are used to bias the source-follower buffers M9 and M10. The gate of M9
can swing up to VDD. If we want no more than 1.2 V across the gate-source potentials
of M9 or M10, then the maximum current we can source, neglecting the body effect, is
given by

A 150

Tourmax = Ezi(vgsg — Vi) =50 7 (12-0.83)>=500uA  (25.4)

while the minimum current is given by
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A
Lovrmm = %l‘l(vsgm — Vi) =17 BV—Z : 1—3—9(1.2 ~0.91)%==500 HA (25.5)

All device lengths are 5 um VDD =25V
except output buffer, which
uses L = 2 um since the
output resistance is less

important. M3 M4 IE
70 ID“ % 70 70

M9
M 1502

23V - M1 M2 + 12 |
+ 15 15 - out

380k vn | vp Miol F__%t M10
— _ = 70n 700/2
t&' lJlIss =20 pA 6

VSS=—25V

Figure 25.3 Operational amplifier with sizes.

Under these circumstances (load currents), the maximum output swing is given by
Vourmax = VDD - 1.2 (25.6)
and
Vourmmv = VSS+1.2 (25.7)

The maximum output current is highly dependent on the output voltage of the amplifier.
For example, if V,,, =0V, the op-amp, with 2.5 V supplies, can source a current of

Tovtmax = so%é- 1905 5-0.83* = 10mA (25.8)

The power dissipated by M9 is 2.5-0.010 = 25 mW! After reviewing the temperature
characteristics of MOSFETs from Ch. 9, we can see that Vg will increase (until M9
shuts off) keeping the device from thermal runaway. Although the device and op-amp
should not be harmed by this excessive power draw, it still may be important to avoid
this situation. Implementation of a maximum current detect or short-circuit protection
circuit on the output of the op-amp is needed. Consider the short-circuit protection
circuit of Fig. 25.4. When the output current exceeds a value set by

Vv
Tourmax = zﬂv (25.9)
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Chapter 25 Operational Amplifiers 621

for an op-amp sourcing current or

V
Tourmiv = ;,HP (25.10)

for an op-amp sinking current, the gate drive is removed from M9 or M10. This keeps
the MOSFETS from sourcing or sinking too much current. Typical values of the resistor
for the present circuit are 1 kQ.

VDD
. { M9
Mil1
R
Vout
R
Mi12
M10
VSS

Figure 25.4 Addition of M11, M12, and the resistors to output stage for short-circuit protection.

Compensating the Op-amp

The last step in our first cut of the op-amp design is to select the compensation network.
The closed-loop gain of an op-amp can be written in terms of the feedback equation by
AoL

Ace = 1 +A0LB

(25.11)

We know from our discussion in Ch. 23 that the feedback amplifier becomes unstable
when the loop gain A, = —1. This is equivalent to the requirement that

lAorBl =1 and £Aop =+180° (25.12)

We know that B represents the amount of the output signal that is fed back and
subtracted from the input of the amplifier. Therefore, the largest value of B possible
without an amplifier in the feedback loop occurs when all of the output is fed back to the
input, or in other words 3 = 1. The voltage follower configuration shown in Fig. 25.5 is
an example of a closed-loop amplifier with § = 1. Under these circumstances, we can
rewrite Eq. (25.12) as

lAorl =1 and ZAor = +180° (25.13)
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Vip ———————— F

Vout

Figure 25.5 Voltage follower configuration, an example of a closed-loop amplifier with
unity feedback factor.

We will use this result (i.e., we will consider the open-loop gain of an amplifier) in the
following discussion on compensating the operational amplifier.

The small-signal model of the two-stage op-amp, considering the
high-impedance nodes that give rise to the dominant poles, is shown in Fig. 25.6. The
resistance to ground at the output of the differential amplifier is given by

Ri=rollres (25.14)
while the capacitance, see Eq. (24.28), at this node is given by
C1= Cyer+ Coar(1 +1A21) + Caps + Coas + Carz + Cor (25.15)
For the present amplifier
R1=833kQ
With the help of Ex. 24.4 and knowing

Cest =-§-.c{,x- WL = 187 fF

and

Can = W- CGDO =70 pm 5 x 10°L = 35 F

The gain of stage two, A, , from Eq. (25.2) is — 58 V/V. The capacitance C, is given,
with the results of Ex. 24 .4, by

C1=187+35(1+58)+190=2.44 pF

The pole resulting from this time constant for the circuit shown in Fig. 25.3 is given by

J'= 2aRiCr " om 833k 2ddpE O KHZ

The pole resulting from the high-impedance node at the drain of M7 is characterized by
R,and C,, or

Ry=rgllrs (25.16)

and
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Cy= Cg(n{l + ———lAlZ|:| + Cupr + Capg + Cgag + Coao + Ceato 25.17)
Drain of M2 and M4 Ce Drain of M7 and M8
—_ » j'l g Vout
+ -+
VI gmVDI R1 C1 T 1% Em1Va2 % R2 . C2

A4

Figure 25.6 Small-signal model of two-stage op-amp.

The value of R, is the same as R, because the bias currents of the first and second stages
are identical. The value of C, is the sum of C,,, = 35 fF, C,,, = 137 {F, C,; = 9.4 fF,
C,s=5.71F, and

Cgao =150 pm-3.8x 10710 = 57 {F
and
Cya10 =700 um-5x 10710 =350 fF

or C, = 600 fF. The pole resulting from the high-impedance node at the drains of M9
and M10 is located at a frequency given by

_ 1
f2 h 2nR,C,

=318 kHz

So far we have not considered the effect of adding a compensation capacitor C..
Before we try to compensate the amplifier to ensure that it remains stable, let's discuss
simulation of the open-loop gain of the amplifier. The simulation of the open-loop gain
will be another indication of the dominant pole locations and can be compared to the
hand calculations given above. A circuit useful in simulating the open-loop gain of an

Vip — ¥

Vout

100 MEG
VvV

I 10 pF

Figure 25.7 Circuit configuration used to measure open-loop gain and frequency response.
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op-amp with or without compensation is shown in Fig. 25.7. The resistive feedback
ensures a stable DC operating condition, while the capacitor/resistor combination
eliminates output AC signals fed back from the output of the op-amp. The SPICE
simulation results of the amplifier described above without compensation and given
schematically in Fig. 25.3 are shown in Fig. 25.8. The point at which the open-loop
gain is unity (0 dB) corresponds to a phase shift of 160°, or a — 20 ° phase margin. In
other words, highly unstable. Normally, we desire no less than a + 45 ° phase margin

when compensating an op-amp.

800

Aol 600
dB

400
200
0.0
-200

-400

200.0
150.0
ZAor, “1000
500
00
4500
-100.0
-150.0

-200.0

108
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\,\‘
e
\\
N
\\
™
10°3 10 105 106 1007
frequency Hz
™~
T
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103 10 105 1076 10°7
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Figure 25.8 Open-loop uncompensated frequency response of the amplifier of Fig. 25.3.
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The compensation capacitor causes the gain to roll off long before the second
pole takes effect. If C, is much larger than C, (v, = 0 and all of g, v,, flows through C),
then we can write the output voltage in terms of the input voltage as

Tout of Ist stage

Vou = v - 25.18)
out = 8Em1VDI ]OJCC ( .
_VYour _ 8ml
Ao =32 == (25.19)

If we label the frequency when the magnitude of the open-loop gain is unity as f,, then
we can select the compensation capacitor based on

8ml
Ao | =
Aol SfC (25.20)
or when IA,,| is unity
8ml
Cc == .
o (25.21)

This equation is useful for general-purpose op-amp design especially where bandwidth
of the amplifier is not critical.

Compensation of the op-amp of Fig. 25.3 begins by inspecting the open-loop
gain magnitude and phase plots of Fig. 25.8. Our hand calculations showed f; = 78 kHz
and f, = 318 kHz, while SPICE simulation results give f; = 50 kHz and f, = 1.5 MHz. If
we set the unity gain frequency at the location of the second pole, the phase of A, is
approximately 135°, corresponding to a phase margin of 45°. To give a little more
margin, we will set f, to 1 MHz. The compensation capacitor is then

5552
Co=—Y—=875pF
21108 P
The compensated op-amp phase and magnitude plots are shown in Fig. 25.9. The phase
margin is approximately 45°. Practically speaking, it may be wise to increase the
compensation capacitor to 10 pF for a little extra head room.

At this point we may ask the question, "Why do we need a phase margin
anyway?" The answer to this question involves the realization that a large load
capacitance can increase the phase shift through the op-amp and the feedback network
normally does not have zero propagation delay. Consider using an n-well resistor in the
feedback loop. The delay through the n-well resistor translates into a phase shift at a
given frequency given by

0 = tdelay  f+ 360° (25.22)

Another important characteristic of adding a compensation capacitor is that the
compensation capacitor combined with the diff-pair bias current sets the slew rate out of
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the op-amp. The maximum rate the output of an op-amp can change is approximated
by I charging C, or
dVout ISS
= e = =22 25.
SR % - C. (25.23)
This is an important design factor in some situations. Replacing the source coupled pair

with the source cross-coupled pair can eliminate slew-rate limitations in the basic
two-stage op-amp at the price of a more complicated circuit and high-power dissipation.

80.0
Aol ~L
dB T
60.0 N
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\‘~
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\\\
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frequency Hz
A 200.0
oL \\\
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100.0
0.0 ~~.~.~...\
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-200.0
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frequency Hz fu

Figure 25.9 Open-loop compensated op-amp of Fig. 25.3.
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In the derivation of this compensation scheme, we assumed that C, was much
greater than C,. This approximation has several practical problems. Reviewing Fig.
25.9, we see that A, has a zero at approximately f,. The effect of the zero is to cause f,
to be less well defined. A more exact analysis of the two-stage op-amp with
compensation capacitor of Fig. 25.6 gives a transfer function of

gmignRiRs(1- ;,5—)
Your _
VDI 2R R3[C1C2+ Co(Cr + C2)] +5[R1(C1 +Cc) +Ro(C2 + Co) + gmiR1R,C] + 1

(25.24)
The poles of this equation can be approximated by
-1
= 25.25
PrE A gmR2)CeR, ( )
and
_ —Em7 C.
P2 = C + CoCo+ CoCy (25.26)
A right-hand plane zero is also present and is given by
z=822 (25.27)

Ce

Comparing this result with Eq. (25.20), we see that if the transconductance of the first
and second stages is comparable, the unity gain frequency of the op-amp and the
location of the zero occur close together. Since the zero is in the right-half plane, the
phase margin is further degraded. Intuitively, this effect can be understood by realizing
that the output of the first stage is fed directly to the output of the second-stage, without
inversion, through the compensation capacitor effectively degrading the phase margin.

To circumvent this feedthrough problem, we can insert a resistor in series with
the compensation capacitor as shown in Fig. 25.10. Addition of the resistor R, shifts the
zero to a location given by

1

==
e

If we select R, so that it is equal to 1/g,, the zero disappears. Making R, larger than
1/g,, causes the zero to add to the open-loop phase response, increasing the phase
margin. For this reason, this type of compensation is sometimes referred to as lead
compensation.

(25.28)

For the op-amp of Fig. 25.3 with g, , = 70 nA/V?, the value of the zero canceling
resistor can be determined by

S
R. =7 —=145kQ (25.29)
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- \/\/\/\—‘” " Vout
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gmVpI R C1T_"2 gmva %Rz - C;

Figure 25.10 Practical compensation of a two-stage op-amp.

The selection of the compensation capacitor C, is unchanged from our previous
discussion since R_has no effect on the low-frequency pole. A complete schematic' of
the op-amp is shown in Fig. 25.11 with the compensation network in place. The
open-loop gain magnitude and phase with this compensation network are shown in Fig.
25.12.  The phase margin of the op-amp with the R,/ C, combination is greatly
improved over the C, alone. Any practical two-stage op-amp design should use the zero
nulling resistor in the compensation network.

All device lengths are 5 pm
except output buffer, which
uses L = 2 pm since the

output resistance is less ‘
important. M3 M4 :{ M7
70 }’* “' 70 8.75 pF 1170
M — MO
14.5k MO1 1502
WD =25V — ’ Ml M2 + 0 15n _ Vour
M b - T M1 M10
80k v : vn
8 . l 7 T0n F“‘”; 70072
< < |
Iq M6

VDD =25V

M5 —| I~ ms
15 —| =15

30

VSS =—25V

Figure 25.11 Op-amp schematic with compensation.

' We could bias the op-amp with a current source instead of the 880k resistor shown in Fig.
25.3. We chose to use the resistor to keep the schematic simple. In practice, any of the current
references of Ch. 21 can provide the current through M15 and thus bias the op-amp.
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Figure 25.12 Open-loop gain and phase response of the amplifier of Fig. 25.11 with zero
nulling resistor. Phase margin is approximately 80°.

The resistor, R, can also be implemented using a MOSFET (M13 in Fig. 25.13).
This implementation is more desirable in general because the effective channel
resistance of M13 can be selected to track the inverse of g, , over temperature and
process variations. A bias circuit consisting of M14, M15, and M16 generates a gate
voltage for M13 (the MOSFET used as R). The channel resistance of a p-channel
MOSFET in the triode region, from Ch. 9, is given by

1

Rc e e 2
’ B(Vsc — Vrap)

R, (25.30)

or setting this in terms of g,, we arrive at
gm1 = B7(Vsr — Vrup) and R} = B13(Vscis — Vrae) (25.31)

Using these two equations to determine the product of g, ,and R,,, assuming B, = B,, =
Bis and By = B, gives

gmiRon = B _ gmiR; (25.32)
Bis

To make the zero vanish, from Eq. (25.28), we set the product equal to unity. For our
op-amp of Fig. 25.11, we simply size M13 of Fig. 25.13 to 70/5, which is the same size
as M7. For lead compensation (i.e., to increase the phase margin further), we set the
product to a number greater than zero. The price we pay for reducing the op-amp
sensitivity to process variations is a more complicated circuit and higher power
dissipation.
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Figure 25.13 Partial schematic of an op-amp showing the use of M13 as a process-
insensitive resistor used for compensation.

25.1.1 Characterizing the Op-Amp

Now that we have a rough op-amp design, we need to characterize the op-amp to
determine its characteristics.

Input Offset Voltage

An op-amp parameter of great importance is the input offset voltage. Ideally, if we
ground both inputs to the op-amp, the output voltage is zero. Realistically, the output
voltage is nonzero because of mismatches in the input stage, called random offsets, and
because the potential on the output of the second stage (for the example op-amp of this
chapter, on the drains of M7 and M8) is not well defined, leading to a systematic-offset.
The random offsets in current mirrors and differential amplifiers due to differences in
geometry and threshold voltages have already been discussed. The systematic offset
results in a worst-case offset voltage of

VDD _ VSS

Vossys = Aor or :4—0: (25.33)
The offset voltage of an op-amp is modeled as a DC voltage source in series with the
noninverting input of an offset free op-amp. This is shown in Fig. 25.14a. The
systematic offset is simulated by grounding the inverting input of the op-amp and
sweeping the noninverting input. Simulation results for the op-amp of Fig. 25.11 are
shown in Fig. 25.14b. The offset voltage is equal to the distance between the curve and
the origin along the x-axis and in this case is approximately 0.1 mV. The slope of the
transfer characteristics corresponds to the open-loop gain of the op-amp.
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Figure 25.14 Simulation results of op-amp shown in Fig. 25.11 showing systematic offset.

Characterizing the Output Voltage Swing

The output voltage swing can be determined using Egs. (25.4) through (25.7) for the
class AB output stage of the op-amp shown in Fig. 25.11. The simulation results of
25.14b show that the output swing is approximately +/— 0.8 V. We are interested here
in the range of outputs that are linearly related to the inputs. From this figure we see
that input voltages of approximately +/~ 0.5 mV on the input (neglecting the offset)
result in an output voltage of A,,-(v,, — v,).

Common Mode Rejection Ratio

The CMRR of an op-amp is calculated by multiplying the common-mode gain, A, , of
the input differential amplifier with the gain of the second stage and dividing the result
into the open-loop gain A,,. The CMRR of an op-amp in dB is given by

AoL A )
C =2 L0 |- 9010g | &L 25.34
MRR= 20 log (AcAz) og (AC ( )

which shows that the op-amp CMRR is determined by the differential stage. Simulation
of the CMRR can be performed with the circuits shown in Fig. 25.15. The CMRR is
determined using Eq. (25.34) with the circuit outputs A, and A -A,. For the op-amp of
Fig. 25.11, the CMRR is approximately 75 dB [from Eq. (24.35)] and the A, from Fig.
25.12,is 72 dB. Knowing the CMRR and A ,,, we give the common-mode gain by

Aom = (A2Ac)(dB) = Aor(dB)— CMRR(dB) =72-75=-3 dB = 0.707 V/V (25.35)
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Figure 25.15 Circuit configuration used to simulate CMRR.

We can think of A, as the open-loop gain of the op-amp for common-mode signals. If
the applied differential voltage is zero and we change the common-mode voltage by
AV, then the output voltage will change by AV, = A_-AV_. To compensate for the
change in the output voltage, a nonzero input differential voltage develops on the input
of the op-amp (an offset voltage that is a function of the common-mode voltage). This
offset voltage can be estimated by

(25.36)

If we apply a 1 V common-mode signal to both inputs of the op-amp of Fig. 25.11, the
offset voltage will change by 175 uV.

Power Dissipation

The power dissipated by an op-amp, P, is simply the product of the sum of the currents
flowing in the current sources or sinks with the power supply voltages. For the op-amp
OfFig. 25.11, P= (VDD - VSS) - (]DS +1Ipg+1Ips +1010) =700 HW .

Power Supply Rejection Ratio

The power supply rejection ratio (PSRR) is a term used to describe how well an
amplifier rejects noise or changes on the VDD and VSS power buses. This parameter
can be extremely important in precision analog design. Consider the test setup shown
in Fig. 25.16. The positive PSRR is defined by

PSRR* = —A0L_ (25.37)

Vout/V+

while the negative PSRR is defined by
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PSRR- = —A9L_ (25.38)
Vourlv

Let's begin by considering how the output voltage of the op-amp of Fig. 25.11 changes
with changes on VDD (i.e., v*). At relatively low frequencies, the compensation
capacitor starts to effectively short the gate of M7 to its drain. At this point, we can
think of M7 as a small-signal resistance of value 1/g,,. Since the resistance looking
down into the drain of M91 is dominated by r, and 7, >> 1/g . almost all of v* is
coupled to the output buffer and thus to the output of the op-amp. The gain from v* to
v,. 18 plotted in Fig. 25.16¢. For the negative PSRR, the effect of the coupling capacitor
shorting the gate of M7 to its drain is to effectively short the drain of M8 to VDD. This
causes the negative PSRR to increase with increasing frequency (see Fig. 25.16d).
Because of the compensation scheme used, the PSRR of two-stage op-amps is poor.
Discussed later in the chapter are a group of op-amps referred to as operational
transconductance amplifiers (OTAs). These op-amps are one stage and are
compensated by a load capacitance. In general, OTAs show much better PSRR than the
two-stage variety discussed so far.

+

1%
—‘®———@—Q7 AoL (b
VDD
s ' Co
Vout Z%‘l ©
=T v
100 MECiEW ! | 5
10 uF f
I L0 w
v VSs v (@
(a) 0.5 -
I NG

Figure 25.16 (a) Test setup to determine PSRR, (b) open-loop gain, (c) gain from
AC signal on VDD to output, and (d) gain from AC signal on VSS to output.

Slew Rate

The slew-rate limitations of an op-amp built with the source coupled diff-amp is given
by Eq. (25.23). The configuration shown in Fig. 25.17 is useful in measuring or
simulating the slew-rate of an op-amp. For the op-amp of Fig. 25.11, the SR is 20
HA/8.75 pF or 2.25 V/us. Normally, the slew-rate, overshoot, and settling time are
specified for different loads. We will assume in the simulation of Fig. 25.11 that the
op-amp is driving a 10 pF load (equivalent to a standard scope probe capacitance). The
simulation results are shown in Fig. 25.18 for a 0 to 1 V step input into the follower.
The simulation results and hand calculations are close.
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Figure 25.17 Circuit used to measure the slew rate of an op-amp.

)
e //—__
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0.0
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10.0 10.5 11.0 11.5 12.0 12.5 13.0
time us

Figure 25.18 Slew-rate simulation results of the op-amp of Fig. 25.11 driving a 10 pF load.

If the SR is important in a particular application, the source cross-coupled
configuration should be considered. An op-amp based on the sizes of Fig. 25.11 using
the source cross-coupled pair is shown in Fig. 25.19. Again, as we discussed with the
source coupled pair, the widths of M1/M2 and M3/M4 should be increased beyond 15
um in practice. Increasing the widths has the effect of increasing the transconductance
of the differential amplifier and thus increasing the gain of the op-amp.

25.1.2 Compensating the Op-Amp Without Buffer

The two-stage CMOS op-amp without output buffer is shown in Fig. 25.20. This
configuration is useful as a comparator (without the compensation network included) or
when the load is purely capacitive, a situation that occurs frequently when the op-amp is
used on-chip in sampled data circuits. When compensating the two-stage op-amp, the
load capacitance should be included with the calculation of C,. Since the load
capacitance affects the location of the second pole, it is possible that the compensated
amplifier/load capacitance combination is unstable.
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Figure 25.19 Op-amp without slew-rate limitations.
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Figure 25.20 Two-stage op-amp without buffer.
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25.1.3 The Cascode Input Op-Amp

An unbuffered op-amp based on the cascode differential input stage is shown in Fig,
25.21. The cascode input stage is used to increase the overall open-loop gain of the
op-amp. A source-follower stage consisting of M13 and M12 is used to provide a DC
level shift between the output of the diff-amp and the output of the op-amp. This allows
the output to swing up to VDD and down to VSS. The location of the first pole in this
configuration is shifted lower in frequency due to the higher output resistance of the
cascode configuration. Although the op-amp can have significantly higher gain than
the basic current mirror configuration, the input common-mode range and CMRR are
poorer. Because of the large gain of the first stage, this op-amp can be used without an
output buffer. We must keep in mind that the output can source a current via M14 but
is limited to sinking a current set by the size and biasing conditions of M15. One
application of this amplifier is in a voltage regulator circuit where the op-amp is
continuously sourcing a current to the load (keeping in mind the PSRR limitations).

VDD
L M4
% Mi12

MC3 E— a _%l: M14
MBz;lh :F :* MBI t - ﬁ M13

Q

Vout
MC6 | —
V.
b ;.——”Z)Ml ( M2 ’:“—‘
+
vn * Ve
M5 L Iss + Ipias —
% l AN B
1= (A" ~ 'ﬁMlS
I T ves I= !
t
VSs

Figure 25.21 Unbuffered op-amp using a cascode differential amplifier.
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25.2 Operational Transconductance Amplifiers

The operational transconductance amplifier (OTA) is basically an op-amp without an
output buffer. An OTA without buffer can only drive capacitive loads. An OTA can be
defined as an amplifier where all nodes are low impedance except the input and output
nodes. An example OTA is shown in Fig. 25.22. Note that the basic op-amp of Fig.
25.20 is not considered an OTA because the drain of M4 is a high-impedance node and
not the input or output of the amplifier. Assuming that B, = 8,, B,, = B,,, we observe
that the current i, or iy, is given [see Eq. (24.12)] by

—ia31 =lga1 = gg'l'(vlz -vn)=iq (25.39)

Furthermore, if B, = K-B,, = K-B,, and By, = B, then i, =—i, =K, =-K-i,. Ifthe
impedance of the capacitor is large compared to r,lIr,, then the output voltage of the
OTA is given by

Vour = 2Kia(Foallros) (25.40)
and the voltage gain is
__Your __
Ay =2 = Kgm(roallros) (25.41)

where we have assigned the noninverting input of the OTA as the gate of M2.
However, as the name states, we are interested in the transconductance (current out,
voltage in) of the amplifier. If the impedance of the load capacitor or the resistance of

VDD

—
e F M31 !ﬁ_{h ﬂjt M4l 1K %twm

= | M1 M2 + .____-]”“9
VDD + 'j + CL
i vn g
IBiss ‘; Y;
M5 lj | ] l% M5

I 1K |
M7 l{ ; M6

|

VsS

Figure 25.22 Basic configuration of an OTA.
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an external load is small compared to the output resistance, rJir,, then the output
current flows mainly in the external load. Under these circumstances, we can write the
output current as

The transconductance of the OTA is given by
__low _
Gnm= vm—vn gnk (25.43)

In the following discussion, we will assume K = 1 so that G, = g,. In other words, the
transconductance of the OTA is set by the transconductance of the input differential
amplifier. A useful feature of the OTA is that its transconductance can be adjusted by
the bias current. Filters made using the OTA can be tuned by changing the bias current
labeled I, in Fig. 25.22. The symbol for the OTA is shown in Fig. 25.23.

v —

vn

Figure 25.23 Schematic syrﬁbol of an OTA.

Example 25.1
Consider the OTA shown in Fig. 25.24.  Determine I, and the
transconductance of the OTA, g, as a function of V,

control*

The bias current can be determined by realizing that the drain current of M10
and the drain current (and thus I,,,) of M8 are equal. The bias current can be
written in terms of V. as

Ipias = Vcontrol - VGSlO
' 100 kQ
Since the W/L ratio of M10 is so large, we can assume Vgsio= Vran=1V.

Using this result, I, varies from 0 to 15 pA for V_ ..., changing from 1 to 2.5
V, respectively. If V. issetto2V,then I, is 10 pA.

The transconductance of the OTA is given, keeping in mind Iy (the drain
current of M6) of the differential amplifier is 27, by

8m = 1’ 2[3]31,;5 (2544)

or in terms of V

control

Microchip Ex. 1055, p. 661
Microchip v. Aptiv

IPR2024-00230



Chapter 25 Operational Amplifiers 639

172
zﬁ[(Vcontrol e 1) 12 2 ’ 50%:;— . 15(Vcontral - 1)
m= 100 kQ = 100kQ- 5 (25.45).

ForV,_,..=2V, wegetan OTA gainof G, =g, =55 uA/V:. B
Unmarked NMOS are 15/5. +25V
Unmarked PMOS are 70/5.

M31 L{L M41
M9E’Eﬁtm M3 :“c p i};——__—ﬂ”:w
Ml sz:“ + =
l[BIAS v;
VcantroT} M10, 20022 M51:“ H: M5
100k ||
M7, 15/5

I

<
Jou

<

M6, 30/5

l

—25V
Figure 25.24 OTA of Ex. 25.1.

Example 25.2
Using the OTA of Fig. 25.24 with V__ equal to 2 V (I, ;= 10 pA), determine
the transfer function, v, /v, , of the circuit shown in Fig. 25.25. Compare the

hand calculations to a SPICE simulation.

Vin +

Vout

—— 8.75pF

Figure 25.25 OTA circuit for Ex. 25.2.
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The current out of the OTA, i,,, is g,(v,, — V,.)- The output voltage is given by

1 _ _8nm
joC joCp

Vour = Lout * : (Vin - Vaut)
where C, is the load capacitance, 8.75 pF in this case. The transfer function of
the circuit is given by

You 1
" 1+jm(cL-ng)

The circuit of Fig. 25.25 performs the same function as a simple low-pass
single-time constant filter with a capacitor value of C, and a resistor value of
1/g,. The major advantage of this circuit is that the source, v,, sees the input
impedance of the OTA, which is practically infinite. The present circuit has a
pole at a frequency of

(25.46)

1

=-—'-—'—————l=1MHZ
2m-8.75p - 55

The simulation results are shown in Fig. 25.26. An important observation we
should make at this point is that increasing the load capacitance increases the
phase margin of the OTA circuit (the dominant pole moves downward). H

0d.
Vout o
Vin *
-50d
~100 9
oV
0 P
l Vout I
Vin 3 dB point
dB ~10
=20 T T r y
100Hz 1.0KHz 10KHz 100KHz 1.0MHz 10MHz
o db(V(g))
Frequency

Figure 25.26 Phase/magnitude response of the OTA circuit of Fig. 25.25.
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A high-pass OTA circuit [4] is shown in Fig. 25.27. The transfer function of the
circuit is given by

wlc. L
Vout J(D(C Em )
= — (25.47)

1+jco(C-glm>

Another name for the OTA-capacitor filter circuits of Figs. 25.25 and 25.27 is
transconductor-C filters.

+
) 5__\' g
/]
Vin ] ;//‘

Figure 25.27 OTA circuit implementing a high-pass filter.

Two practical concerns when designing an OTA for filter applications are the
input signal amplitude and the parasitic input/output capacitances. Large signals cause
the OTA gain to become nonlinear. (An AC SPICE analysis does not reveal
large-signal distortion.) The external capacitance should be large compared to the
input/output parasitics of the OTA. This limits the maximum frequency of a filter built
with an OTA and causes amplitude or phase errors. The errors can usually be tuned out
with proper selection of I,

Figure 25.28 shows a biquadratic (biquad for short) useful as a low-pass,
high-pass, band-pass, or band-reject filter [4]. The input conditions and filter type are
given in Table 25.1. If we assume that the transconductances of each stage are equal,
then the natural frequency of the filter is given by

W, = 20— (25.48)

JC1Ca

while the Q of the filter is

¢
Q= c, (25.49)
An ideal transconductance amplifier has infinite input and output resistances.

The OTA of Fig. 25.23 has a modest output resistance. The output resistance of the
OTA causes an error in the transfer function in filter applications. Increasing the
output resistance is accomplished with the cascode OTA of Fig. 25.29. The
transconductance of the amplifier is unchanged from the noncascode case. Adding the

cascode MOSFETs has the effect of increasing the output resistance of the OTA while
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V2 i

vy ————+ +

b Vour

Il
1]
0
Figure 25.28 Biquad filter implementation using OTAs.

V3

reducing the output swing. The MOSFET M9 is used to keep the drain of M3 at the
same potential as the drain of M4 and thus eliminating errors due to channel length
modulation. The bias voltages can be selected so that M4 and M5 are kept in the
saturation region.

Filter Type Input Conditions Transfer Function
Low-pass v,,=v,, with v, and 8
v, grounded 5*C1C2+5C18m+ g%
High-pass v, = V,, with v, and s2C1Cy
v, grounded 52C1Co+5Cigm + 824,
Band-pass v, = V,, with v, and sC1gm
v, grounded 52C1Cy+5Cigm + g2,
Band-reject Vv, =V, =V, with v, s°C1Ca + g5,
grounded 5*C1Ca+5Cigm+ g%

Table 25.1 Design equations for the Biquad filter.

25.2.1 Wide-Swing OTA

A wide-swing OTA first introduced in Ch. 24 is shown in Fig. 25.30 [5]. Wide swing
here means that the input CMR is close to the supply voltages. Simulation results using
the OTA are shown in Fig. 25.31 for an input voltage swing from zero up to +5 V. The
output voltage swing of the OTA is limited by the supply voltages. The

. A
transconductance of the OTA (from Sec. 24.4) is gn = J2pI = J2- 7‘5—0- 50%—; 1 pA

=20 %é for one diff-amp conducting and 40 E\TA when both diff-amps are conducting.

The unloaded low-frequency voltage gain of the OTA, again from Sec. 24.4, is 166 V/V
independent of the number of diff-amps conducting current.
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Figure 25.29 A cascode OTA.
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Figure 25.30 Wide-swing OTA first introduced in Ch. 24.

Microchip Ex. 1055, p. 666
Microchip v. Aptiv
IPR2024-00230



644 Part IIT CMOS Analog Circuits

50

Vout

a
U S

30
OTA of

Fig. 25.30

\ /
o) Ml B e
\/

1.0

00
18.00 18.50 20.00

time mS

Figure 25.31 Simulation results (using BSIM model) of the OTA of Fig. 25.30 with
VDD = +5 V and VSS = 0.

A circuit that operates in triode, saturation, or cutoff, such as the OTA of Fig.
25.30, is very difficult to simulate using SPICE. Using the level 2 model helps with
convergence at the price of accuracy. For example, simulating the OTA of Fig. 25.30
using the level 2 model resulted in an open-loop gain of approximately 18, while using
the BSIM model resulted in a voltage gain of 240. This result makes it clear that the
level 2 model is useful only in functional testing, verifying that the circuit is connected
correctly in the simulation. In order to achieve convergence using the BSIM model, the
simulation included the .OPTIONS statement with RELTOL = 0.1, ABSTOL = 0.1y,
and VNTOL = 50 mV. Simulating the circuit using AC analysis and achieving
convergence are considerably easier than a DC sweep or transient analysis. An AC
analysis begins by calculating the operating point. (This is the difficult part of the AC
simulation.) This is followed by replacing the active devices with small-signal models.

Before we discuss the AC analysis of the OTA circuit of Fig. 25.30 to determine
stability, we should discuss compensating OTAs. The closed-loop gain of an OTA
circuit is given by

Aor

-0 25.
1+AoL-B (25.50)

AcL
The maximum value of the feedback factor, B, without an amplifier in the feedback loop
is unity, that is, all of the output voltage is fed back and subtracted from the input.
Setting the feedback factor to unity follows the same procedure used in Sec. 25.1 [see
Egs. (25.12) and (25.13)] to determine the gain and phase margins of the op-amp. An
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Vin N Vin n
Yout Vour

(@) (b)
Figure 25.32 OTA circuit with (a) unity feedback factor and (b) DC stability.

OTA with a unity feedback factor is shown in Fig. 25.32a while Fig. 25.32b shows the
configuration used to determine the open-loop gain of the OTA. The resistor/capacitor
combination helps stabilize the DC output voltage of the OTA, ensuring that the
MOSFETs used in the OTA operate in the saturation region. The feedback resistor
should be much larger than the output resistance of the OTA, and the RC product
should be much longer than the reciprocal of the lowest frequency of interest. This is
equivalent to stating that R and C of Fig. 25.32b should have no effect on the AC
performance of the circuit. If we assume that the impedance of the load capacitor is
small compared to the output impedance of the OTA, then we can write

=t - e = g+ e
Vout = Lout joCy EmVin joCy (25.51)
or
Vout Em Vout gm
You _ En_ _, |You|_ 25.52
vie ~ joCy | Vi | T 2nfCy (2552)

When determining the phase margin, we are interested in the frequency at which the
magnitude of v_ /v, is unity. Using Eq. (25.52) and labeling the frequency at which the
magnitude of v /v, is unity, f,, we get
Em

U = 25.53
It would appear that the OTA (for feedback factors of unity or less) is always stable.
Indeed, this is the case, provided the impedance of C, is small compared to the output
impedance of the OTA and the parasitic poles are at a much higher frequency than f,.

The open-loop gain and phase responses of the OTA of Fig. 25.30 can be
simulated using the test circuit shown in Fig. 25.33 (with C, = 0). Figure 25.34 shows
the simulation results with V,, = 2.5 V. The unity gain frequency, f, , is 60 MHz, while
the phase at f, is 150°, a 30° phase margin. An interesting observation can be made if
Vey is set to 0.5 V and then 4.5 V. These values of V,, correspond to situations where
the n- and p-channel diff-amps are not conducting. Under these conditions, the

small-signal transconductance of the OTA is half of the value when both diff-amps are
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VDD =5V
+\‘ VSS =0V
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Vin _

N ———

Ve 10 uF I 100 MEG ‘i‘ CL

Figure 25.33 OTA circuit used to determine open-loop characteristics of OTA of Fig. 25.30.

on. The result is a shift in the unity gain frequency of the OTA, while the
low-frequency gain of the OTA is unchanged, as discussed in Ch. 24. The unity gain
frequency, f,, with V,, set at 0.5 or 4.5, is approximately 30 MHz; see Fig. 25.35 for the
case V,, =0.5V.

Compensating the OTA is simply a matter of selecting a minimum load
capacitance. Increasing the load capacitance actually increases the phase margin of the
OTA. Looking at the phase characteristics of the OTA in Fig. 25.34 (without a load),
we see that adding and increasing the load capacitance shifts the point where the phase
is —45° to a lower frequency. (Increasing the load capacitance lowers the first pole in
the transfer function.) The point where the phase is —100° remains essentially

Vour

—|, dB Vout

Vin |’ Ly deg
50.0 200.0

N \
400 \

\ 100.0

200 \ 0.0

0 \ fu=60MHz \
\ | / -100.0 \\

\

-10.0

-200.0
100 103 1074 105 106 10" 1078 100 10"3 10" 10" 1076 10°7 1078
frequency Hz frequency Hz

Figure 25.34 Open-loop simulation results of the OTA in Fig. 25.30 using the setup of Fig.
25.33 with C, =0 and V,, = 2.5 V (both diff-amps on).
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Figure 25.35 Open-loop simulation results of the OTA in Fig. 25.30 using the setup of Fig.
25.33 with C, = 0 and V,, = 0.5 V (p-channel diff-amp on).

unchanged since the other parasitic poles are not affected by the load capacitance. The
frequency at a phase of —100° is approximately 3 MHz. If we set f, = 3 MHz, then the
phase margin is 80° (assuming no interaction from the other parasitic poles present in
the circuit). From the beginning of the section, the transconductance of the OTA is 40
pA/V? Using Eq. (25.53) results in a minimum-load capacitance of 2.1 pF. Simulation
results using C, = 2.1 pF are shown in Fig. 25.36. The simulation results show f, = 2.4
MHz and a phase margin of 70°. The difference between the hand calculations and the
simulation results can be attributed to the parasitic poles present in the OTA. The
parasitic poles present in any CMOS analog amplifier ultimately limit the complexity of
the circuit. In practice, a minimum-load capacitance greater than 2.1 pF would be used.
A possible practical load capacitance minimum of 5 pF would be appropriate in this
design.

The OTA with Buffer

An op-amp can be made using an OTA with buffer circuit. The buffer is used to isolate
the OTA from the load. The load can be resistive, capacitive, or a combination of the
two. Compensating the OTA/buffer is somewhat different from compensating the OTA
alone. Consider the OTA/buffer shown in Fig. 25.37. The buffer used in this figure is a
source follower. To begin, let's try to compensate the op-amp by putting a load
capacitance on the output of the source follower. This is similar to what we did for the
OTA alone. Now, however, the output of the amplifier is a low impedance, that is, the
output impedance of the source follower. Therefore, the load capacitance should have
little effect on the phase margin of the amplifier. For the cases of very large load
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Figure 25.36 Compensating the OTA of Fig. 25.30 with a 2.1 pF cap.
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Figure 25.37 OTA with source-follower buffer (an op-amp).
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capacitances or a very small source follower, the load capacitance may indeed affect the
phase margin of the amplifier. Normally, however, the buffer is designed so that it can
easily source and sink (by making the value of the current source load used in the source
follower large) the current needed to drive the load capacitance.

Next, we could try to compensate the amplifier using the input capacitance of the
source follower. One might try to use the gate-source capacitance of M1 as the
compensation capacitance on the output of the OTA. Ideally, however, the output
voltage of the OTA and the output voltage of the source follower are the same, that is,
the source follower has a voltage gain of +1. This means that the voltage on each side
of the gate-source capacitance changes at the same rate. In other words, the AC voltage
between the gate and source of M1, v, is zero (ideally). This means that zero
displacement current flows through C,,, and therefore it cannot be used for
compensation. The gate-drain capacitance of M1 can be used for compensation since it
is connected directly to AC ground (VDD). Using C,, would require, for a practical
value of compensation capacitance, M1 to be too large for most situations.

This discussion shows that the op-amp of Fig. 25.37 should be compensated with
a capacitance from the output of the OTA to ground. The value of the compensation
capacitor C, is selected following the procedures of the last section. Notice that even
though there is an amplifier in the feedback loop, the maximum value of the feedback
factor, B, is still 1. This is because the amplifier has a voltage gain of unity.

Next consider the OTA/buffer shown in Fig. 25.38. This configuration is useful
in voltage regulator design since the output can swing all the way up to VDD. With the
use of feedback resistors, the gain of the circuit can be set to a multiple of the input
voltage. Also, in this configuration B can be larger than one since there is an amplifier,
M1, in the feedback loop. Since the amplifier is inverting (M1), the signal fed back is
connected to the "+" input of the OTA.

DD

VDD VD]
Vip = —
t: M1
4

RL

l Vout
CL

Figure 25.38 Op-amp made using the OTA/common-source amplifier.
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This circuit is basically a two-stage op-amp and can be compensated in the same
way as the op-amp of Fig. 25.11. A problem exists, however, if the load capacitance is
too large. Consider the following example.

Example 25.3

The circuit shown in Fig. 25.39 is used as a voltage regulator that generates an
output voltage of 2.5 V with a maximum output current of 10 mA (into R, ) over
VDD changes of 4 to 6 V. Design the circuit (select R, R, .., and C,) so that the
phase margin is approximately 90° when C, = 0. Estimate the maximum C,
allowed so that the phase margin of the circuit remains greater than 45°.

VDD VDD

1.25V —
OTA of

Fig. 25.30 _t 4 M1 10,000/2
+ Ce R,

VA . n 2.5V
100k —L
100k Roin R; CL

Figure 25.39 Voltage regulator of Ex. 25.3. Note to simulate a circuit with a
large MOSFET set NRD and NRS to zero.

The solution to this example begins by following the compensation procedure
given in Sec. 25.1. The value of R, (which is the output resistance of the OTA)
is given by

R1=rosllrey =42 MEG for Ao=0.06 V™' and I =2 pA

The value of C,, since M1 is large compared to output capacitance of the OTA,
is given by

C1=Cg1 +Con(1+14)) =
2. (10,000)(2)(800 aF) + (10,000 pm){ 5 x 107°0L )1 +14,,1) =
3 ( m

C1=10.67 pF + 5 pF-(1 + A

The location of the pole on the output of the OTA, before adding the
compensation capacitor, is given by

I 1
N = o RiCi 2% 42 MEG. [10.67 + 5(1 + 1A, ) pF
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The location of the pole on the output of M1, prior to adding the compensation
network, is given by

£ 1 1

2n-R2C2 oy (r01|lRLHRm)l:CL +5 PR+ g ]

The reason for adding R, to the circuit will now be explained. If the regulator
output current starts to decrease toward zero (i.e., R, and r,, move toward o),
then M1 will start to turn off. This in turn pushes f, down in frequency toward f|
( f, decreases also up to a point since A, increases with decreasing output
current, see Fig. 22.15). At very low output currents, f, can be less than f;. The
result is an unstable feedback loop. Adding R,,, to the regulator ensures that M1
is always sourcing at least some minimum current. For the present design, with
an output voltage of 2.5 V, R, . will be set to 10 kQ.> This forces M1 to source a
minimum of 250 pA at any given time. If the regulator output current, 7,
increases, then f, increases for a constant C,, increasing the phase margin of the
circuit. For this reason, in the remainder of the discussion, we will assume /), =
250 pA (the worst-case situation) so that

1

=—~__——0.8'250uA=5kQande‘=°°

Yol

where A = 0.8 for M1 with a channel length of 2 um. The second stage gain is
then

Azl =gma - rall10kQ) = [2- 175 288 25014 - (5 Kl 10K)

=21.7V/IV
where g , is the transconductance of the second-stage (M1's transconductance).
The location of f,, using this gain, is 300 Hz, while f, is given by
fo= 1 _ 1
on- (kIO K[ CL+5pF(1+ )] 20 B3 KQ(CL+5 pF)

Adding the Compensation Capacitor

We cannot use Eq. (25.18) to determine the unity gain frequency of the loop
since C, will not be much larger than C,. We can, however, write the open-loop
gain (with the compensation capacitor) of the circuit (where g , is the
transconductance of the OTA) as

OTA gain  MT1’s gain
Py ey

Vout - Eml ‘R ;,21.7
Vin f _/_'jf_
(12 199

* This value of resistor may be too small for most practical situations.
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where f,. and f,. are the frequencies of the two poles with the compensation
capacitor added. Since f,. (the dominant pole) is much less than f,., we can
rewrite this equation for frequencies less than f,. as

- gmR1-21.7 _ 3,650

2 2
f S
[+ ()
By definition, when f = f,, Iv,/v,l = 1. Since f, is much larger than f,., this
equation can be rewritten as
fu=fic-3,650=fic A An

The location of the poles with compensation capacitor are given by

_ 1 _ 1
f1e= S A aMEG 107+ G+ CO(+217)] - 2% 4.2MEG (125 pF+C.(1+21.7)]

Vout
Vin

and

_ 1
2m-3.3kQ - (CL+Ce+5 pF)

fac (25.54)

From the design requirements given earlier, the phase margin should be
approximately 90° when C, = 0. This can be met if f,. (with C, = 0) is ten times
£, that is, f,. > 10-f,. If we setf, = 100 kHz then C, = 55 pF and f,. = 800 kHz.
The value of f,. is only eight times larger than f,. However, this value is very
dependent on the value of A when I, is small. Since our selection of A, for M1
(0.8), may not be exact, we will simulate the circuit and verify that the design
meets the given criteria.

The value of R, can be picked based on the maximum g, (g,,) of M1. This
occurs when I, = 10 mA or g,, =41.23 mA/V. If we set R, = 1/g,, then R, = 25
Q. In order to increase the phase margin of the regulator, we will set R, = 100 €2
in this design. Note that R, has little effect on the phase margin when the
regulator is sourcing small amounts of current. Open-loop simulation results
with C,=55 pF, R, = 10 kQ, R, = o, and C, = 0 are shown in Fig. 25.40. The
common mode input voltage was set to 2.5 V in this open-loop simulation, and
DC stability circuitry was used (see Fig. 25.33).

The unity gain frequency shown in this simulation matches the hand
calculations. However, the second pole is about five times larger than the 800
kHz we calculated (this is good). Also, the right-hand plane zero appears to be
located very close to the second pole. This causes the phase to decrease twice as
fast. The phase margin under these circumstances meets the design criteria (i.e.
90°), when C, = 0. A phase margin of 45° occurs when f,. = f,. Using Eq.
(25.54) with f,. = 100 kHz results in C, = 420 pF. Simulation results showed
that a capacitor five times this value, or 2100 pF, caused the phase margin to
become 45° ( with I, = 250 pA). Increasing I,, increases the phase margin. ®
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Figure 25.40 Open-loop frequency response for Ex. 25.3 (see text).

A final example of a wide-swing OTA with buffer is shown in Fig. 25.41. This
is the OTA of Fig. 25.30, with four MOSFETs added to form an output stage.
MOSFETs M13 and M14 can be thought of as "zero canceling resistors" used to shift
the right-hand plane zero into the left-hand plane. M13 and M14 also help to reduce
the current flowing in M15 and M16. We know that the current through M13 and M14
is well defined. The current through M15 and M16 is less well defined. Increasing the
lengths of M13 and M14 helps to reduce the quiescent current in M15 and M16 and
push the zero further into the left-half plane.
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VDD All n-channel MOSFETs 20/5
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Figure 25.41 Wide-swing OTA with common-source output buffer.

The unity gain frequency of an OTA, f,, is a strong function of the load
capacitance. For the op-amp of Fig. 25.41, the unity gain frequency and the DC gain of
the op-amp are a strong function of the load resistance and capacitance. This is due to
the fact that the output stage has a gain greater than one. The resistor on the output of
the op-amp affects the second-stage gain. The compensation capacitor is selected in the
same manner as the OTA without output buffer, assuming the second stage has a gain
of one. If the second-stage has a gain greater than one, then the Miller effect multiplies
C, by the second stage gain. This effectively increases the capacitance seen by the first
stage, keeping the op-amp compensated. Again, the op-amp can become unstable, as
we saw in Ex. 25.3, when the load capacitance becomes too large. Note that because the
output buffer is inverting, the "+" and "-" inputs of the op-amp are switched.

25.2.2 The Folded-Cascode OTA

The folded-cascode OTA is shown in Fig. 25.42 [6-8]. The name "folded-cascode"
comes from folding down p-channel cascode active loads of a diff-pair and changing the
MOSFETs to n-channels. This OTA, like all OTAs, has good PSRR compared to the
two-stage op-amp since the OTA is compensated with the load capacitance.

Microchip Ex. 1055, p. 677
Microchip v. Aptiv
IPR2024-00230



Chapter 25 Operational Amplifiers 655

VDD
VDD 1
) M5
M3 }: Vbtasl J - % -Mﬁ
5pA T i 10 pA 7
«— l 10 pA
e_.
Vy M7 M8 | |
M4 }: bias2 5 A 'C]] “‘ 5 uA
l SuA
Vout
Vin M10 g
10 pA 10 pA
!_ Ml11
M12
VSS VSS }_. _‘
All n-channel MOSFETs are 15/5 1T
and all p-channel MOSFETs are 70/5. VSS

- Figure 25.42 Folded-cascode OTA.

To understand the operation of the folded-cascode OTA, consider Fig. 25.42
without the diff-amp (M1/M2) in the circuit. Without the diff-amp present in the
circuit, 10 yA flows in all MOSFETs. MOSFETs M3 and M4 provide the DC bias
voltages to M5-MS8. Note that the cascoded MOSFETs (M5-M12) are not biased for
wide-swing operation. A wide-swing biasing circuit could replace M3/M4, and
M9-M12 could be replaced with a wide-swing current mirror. Biasing for wide-swing
operation increases the output voltage swing. When the diff-amp is added back into the
circuit, it steals 5 pA from M7-M12, reducing their drain currents to 5 pA.

Applying an AC input voltage, v,,, causes the diff-amp differential drain current
to become g, v,, (g, is the transconductance of the diff-amp). This AC differential drain

moin

current is mirrored in the cascoded MOSFETs M7 through M12. The output voltage of
the OTA is then

Vour = &mVin - Ro (25.55)
where
R, = (R looking into drain of M10)||(R looking into drain of M8)
= [7o10(1 + gmioror2) ]| [ros (1 + g ms7o6)] (25.56)
The gain of the folded-cascode OTA is given by
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—'=ng0 (25.57)

Using the values shown in Fig. 2542, g =387 yA/V, r=1.6TMQ, r =71, =71, =
3.33MQ, g, =50 uA/V, g,.,, = 38.7 uA/V, we find that the value of R, is 170 MQ and
v, /vl is 6,500 V/V.

The dominant pole of the OTA is located at 1/2rR C,. Parasitic poles exist at
the sources of M7/M8 and M9/M10. These parasitic poles should be larger than the
unity gain frequency ( f, = g,/2nC, ) of the OTA. For the op-amp of Fig. 25.42, setting
the unity gain frequency to 1 MHz results in C, = 6.1 pF.

An op-amp can be made using the folded-cascode OTA and source-follower
output buffer (Fig. 25.43). The value of the current source, I , used in the
source-follower depends on the amount of current sinking capability required of the
op-amp. For example, if the minimum-load resistance the op-amp will see is 10 kQ and
VSS = - 2.5V, then the current source should be at least 2.5/10 k€Q or 250 pA. In other
words, the op-amp can sink 250 pA of current. When the op-amp is sourcing current,
M15 must supply a current to the current source, /., and a current to the load. The
source-follower will not degrade the frequency performance of the OTA. However, the

maximum output voltage will be limited to less than VDD -V, ..

VDD
1 .
"] L -
Vbia.s‘Z % — M7 " ——MS
~———-} Ml M2 . ]
+
Vi;f_ 1—————1———”: M15
H I |G
Vbias3 M10 i b—Vour
I 1M13 ] ]
i M a GD Isr
] L

VSS

Figure 25.43 Folded-cascode op-amp.
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Figure 25.44 Biasing circuit for the op-amp of Fig. 25.43.

The bias voltages can be generated using the circuit of Fig. 25.44. This circuit is
basically two wide-swing current mirrors based on the configuration given in Fig. 20.6.
MB1 and MB2 are sized one-fourth the size of the other MOSFETsS, as was discussed in
Ch. 20. If, in Figs. 25.43 and 25.44, [ = 10 pA and the unmarked n-channels are 15/5
and the unmarked p-channels are 70/5, then MB1 can be sized 30/40 and MB2 can be
sized 35/10. This biasing scheme causes 10 pA to flow in MOSFETs M13, M14, M5,
M6, and all MOSFETs in the biasing circuit. MOSFETs M1, M2, and M7-M12 have 5
pA of drain current. Note that this biasing scheme gives the maximum voltage swing
on the output of the OTA (i.e., the drains of M8 and M10).

Wide-Swing Folded-Cascode OTA

A major advantage of the folded-cascode OTA of Fig. 25.42 is that the positive CMR
extends beyond VDD, while the negative CMR is limited by the minimum voltage
across the input diff-amp. Figure 25.45 shows a wide-swing folded-cascode OTA where
the input CMR extends beyond the power supply rails (however, the output does not).
The input diff-amp is the wide-swing type discussed in Ch. 24 (Fig. 24.27). If we use
our familiar sizes of 15/5 and 70/5 for the n- and p-channel MOSFETS together with the
bias circuit of Fig. 25.44 (with 10 pA biasing current), then a current of 10 pA flows in
M5, M6, M11-M14, M17, and M18 (under DC conditions and assuming both diff-amps
are on). The remaining MOSFET:s in the circuit conduct 5 pA. SPICE simulation
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Figure 25.45 Wide-swing folded-cascode OTA.

results using this OTA in a unity gain configuration with VDD = 5 and VSS = 0 are
shown in Fig. 25.46. The input voltage in this figure was swept from — 1 to 6 V. Note
how the output stage of the OTA limits the maximum and minimum output voltages.

Compensation of the wide-swing folded-cascode OTA follows the procedure
used to compensate the wide-swing OTA of Fig. 25.30. The problem of having one or
both diff-amps on exists with this configuration as well. An additional problem exists
with this configuration, that is, the low-frequency gain is not constant. Nevertheless,
this configuration finds extensive use in analog applications. With both diff-amps
conducting and a load capacitance of 1 pF, there is a 10 MHz unity gain frequency, with
a 70° phase margin and an open-loop gain of 6500 (76 dB). The bias voltages or the
size of the MOSFETs M5-M12 should be adjusted to compensate for the larger DC
currents when one diff-amp is off. In other words, it is desirable to have wide-swing
operation where the drain-source voltages of M5/M6 or M11/M12 are small (equal to
the excess gate voltage). But if these voltages are too small, then M5/M6 or M11/M12
will approach the triode region and the gain will decrease.

The constant g, stage discussed in Ch. 24 can be used as the input diff-amp
stage for the wide-swing folded cascode. This solves the problem of varying
transconductance for compensating the OTA, but the problem of nonconstant
low-frequency gain remains.
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Figure 25.46 DC characteristics of wide-swing OTA of Fig. 25.45 in the unity gain configuration.

Folded-Cascode OTA with Output Buffer

In many applications, the OTA must drive a resistive/capacitive load or a large
capacitive load. In these situations, a buffer between the load and OTA is used to
ensure that the gain of the OTA is not degraded. Figure 25.47 shows one example of an
output buffer that employs source followers. The output MOSFETs M03 and M04 are
source followers used to drive the load. MOSFET MO01 is simply a current source, while
MO2 is a p-channel source follower. The source-gate voltage of M02 is selected to bias
both M03 and MO04 on, that is, Vg, > V., + V. The gain through the buffer is
approximately unity so that the compensation capacitance C, does not have to be
changed when the buffer is added to the OTA. The main drawback of this configuration
is the limited output swing. The maximum output voltage is VDD — V. (with body
effect), while the minimum output voltage is VSS + V.

A second example of a folded-cascode output buffer is seen in Fig. 25.48. This
output buffer configuration is essentially the same as that shown in Fig. 25.41. The
gate-drain connected MOSFETs M(07 and MOS8 can be thought of as zero-canceling
resistors (i.e., R, = 1/g,,,11/g,,4 ). Compensation follows the same procedure used for
the two-stage op-amp discussed in the beginning of the chapter. Normally, since the
gain of the output buffer can be low, the output MOSFETs, M05 and MO06, can be sized
with minimum or near-minimum lengths. This has the effect of increasing the output
drive capability. This buffer has the added advantage that the outputs can approach the
supply voltages.
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Figure 25.47 Output buffer for use with a folded-cascode OTA (unity gain).
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Figure 25.48 Output buffer for use with a folded-cascode OTA (with gain).
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Figure 25.49 shows a wide-swing folded-cascode OTA, with output buffer based
on floating current sources [7]. This configuration is very useful in low-supply voltage
op-amp design. To illustrate the operation and biasing of this op-amp, let's assume that
the biasing circuit of Fig. 25.44 is used with I = 10 pA, 15/5 n-channels, 70/5
p-channels. MB2 is sized 15/20 and MB1 is 35/10. The generation of the bias voltages
Vi a0d V. will be discussed momentarily. With these sizes, and assuming both
diff-amps are conducting current, 10 pA flows in M17/M18, M13/M14, M5/M6, and
M11/12. A current of 5 pA flows in M1/M2, M15/M16, M7/M8, and M9/M10. A
current of 100 pA flows in MO1/MO2, and a current of 2.5 pA flows in MC1-MC4.

The current that flows in M5/M6 and M11/M12 is mirrored in MO1 and MO?2.

The floating current sources MC1/MC2 and MC3/MC4 form a positive feedback
loop with a gain of 1. The resistance looking into the sources of these parallel
MOSFET:s is the output resistance of the MOSFETSs in series with the output resistance
of the cascode MOSFETs of the folded-cascode OTA.

VDD
T

L_|M5 -

M17
Vbiasl_—# t: ‘%’:_———————C{ __-MG
M18 — M7
Vbias2 ‘[jlr c‘|j v| Mg MO1
M15 M16 ) el MG l ”100/5
70/20
= t{\fi M2 Vbiasp % _1_0/20 C.
v =l lt: e
+ Vibiasn — = 15120 c.
15720 !
M13 MC?2 MO MC4 ——L‘ 1150/5
Vbias3 — - _MlO MO2
Mi14
L M1t u
Vbias4 - - Mi12
VSS

All unlabeled n-channels are 15/5.
All unlabeled p-channels are 70/5.

Figure 25.49 Wide-swing folded-cascode OTA with output buffer (an op-amp).
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Figure 25.50 Simplified schematic of biasing circuitry for the op-amp of Fig. 25.49.

The schematic of the biasing circuit is shown in Fig. 25.50. The reason for
sizing MC1-MC4 one-fourth the other MOSFETSs now becomes obvious: they conduct
2.5 pA of current. An interesting situation occurs when one of the diff-amps on the
input of the op-amp shuts off. If the p-channel diff-amp were to turn off, as a result of
the input signal going outside the p-diff-pairs CMR, then the 5 pA of current flowing
into the drain of M11 from the p-channel diff-amp would become zero. This would
cause the current flowing in MO1 and MO2 to become unbalanced (i.e., 100 pA of
current flowing in MO1 and 50 pA of current flowing in MO2). However, without a
DC load current, we know that these currents must be equal. The result is an offset
voltage on the input of the op-amp that will result in balanced currents in MO1 and
MO2. Because of the very large gain of this topology, this offset voltage is usually
negligible in comparison to the offsets resulting from device mismatches. Device
matching is critical for low-distortion amplifier design, and in many cases the device
matching will restrict the use of more elegant circuit structures (e.g., the constant
transconductance diff-amp).
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Figure 25.51 Open-loop-compensated gain of the op-amp of Fig. 25.49.

The open-loop compensated gain of the op-amp of Fig. 25.49 is shown in Fig.
25.51. The op-amp was compensated with two 5 pF capacitors. The open-loop DC
gain of this configuration is 700,000 V/V. Simulating the characteristics of an op-amp
with such a large gain requires that the RELTOL, VNTOL, and ABSTOL remain at
their default values or less. Also, the DC stability scheme of Fig. 25.7 may not work
well for high-gain op-amps because of the presence of feedback in the circuit. The
scheme shown in Fig. 25.52 can be used to simulate the open-loop gain of an op-amp.
The value of V,, is changed until all MOSFETs in the op-amp are biased into the
saturation region. For the simulation of the op-amp of Fig. 25.49,a 1 V (AC)/25V
(DC) voltage source was connected to the positive, or noninverting, input of the op-amp.
After several simulation runs, it was found that a 2.49995 V bias on the minus, or
inverting, input of the op-amp caused all MOSFETSs to operate in the saturation region.

Vout

1V AC
2.5V DC

Viias 2.49995 for the op-amp of Fig. 25.49.

Figure 25.52 Simulating the open-loop response of a high-gain op-amp.
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25.3 The Differential Output Op-Amp

The differential output op-amp symbol is shown in Fig. 25.53. The open-loop gain of
the op-amp is given in terms of the inputs and outputs by

Aoy = Yot —Yo- (25.58)

Vye—V_

This should be compared to the single-ended output op-amp (the op-amp we have been
discussing up to this point), which has a gain given by

AoL= v:’j*v_ (25.59)

If we ignore v,, then the differential output op-amp behaves just like a single-ended
op-amp. For linear applications the op-amp is used with a feedback network, the inputs
are related by

Vi=vo (25.60)

Vo+

| — i Vo-

Figure 25.53 Differential output op-amp.

Vo+

+
R A A avA%AVas B

Vo-

v+'—‘—‘—*‘: &—_1_

Figure 25.54 Formation of a differential output op-amp using two single-ended op-amps.
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while the outputs are related by
Vo+ = —Vo_ (25.61)

We can use two single-ended op-amps to form a differential output op-amp (Fig.
25.54). This implementation works well for low frequencies. However, because the
op-amps are in different topologies, the phase response of each op-amp is different.
This means Eq. (25.61) will not hold for higher (> 1 kHz) frequencies because the time
delays through each configuration are sufficiently different.

The importance of using differential output op-amps can be explained with the
help of Fig. 25.55. This figure shows a cascade of differential output op-amps, without
feedback network. The stray capacitance between the interconnecting metal lines (the
metal lines that carry the signals between op-amps) and the substrate or any other noise
source are shown. If the metal lines are run close to one another, then the noise voltage
will couple even amounts (ideally) of noise into each signal wire. Since the diff-amp,
on the input of the op-amp, rejects common signals (signals that are present on both
inputs), the coupled noise is not passed to the next op-amp in the string. Variations on
the power supply rails are rejected as well. If the differential op-amp is symmetric, then
changes on the power supply couple evenly into both outputs, having little effect on the
difference, or desired signal, coming out of the op-amp. For these reasons (i.e., good
coupled noise rejection and PSRR, the differential op-amp is a necessity in any
mixed-signal integrated circuit. (Mixed-signal means that both analog and digital
circuits are present on the chip - digital logic is great at generating noise.)

Noise voltage Noise voltage

AL
<

Stray C

Stray C

Figure 25.55 Differential output op-amps showing parasitic capacitance and noise.

Normally, the average of the op-amp outputs is called the common-mode output
voltage and in terms of the supply voltages, is given by

= YRRA VS (25.62)

For example, if VDD = 2.5V and VS§S = - 2.5 V, then both outputs are referenced to the
common-mode voltage 0 V (ground). If VDD =5V and VSS = 0, then V, = 2.5 V.
Figure 25.56a shows a simple differential output op-amp gain configuration (inverting
or noninverting, depending on which output is used as the positive output). Since the
input voltages to the circuit are equal, the output voltages of the op-amp should remain

Vem
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at V. However,ifv,, =v_=VDDorv,, =v,_=VSSorv, =v_=anything, thenv, =
v_ (this is a problem). Equation (25.61) can be written to include the common-mode
output voltage:

Vor + Veu = Vo +Veu (25.63)

To hold the common-mode output voltage of the op-amp at a known voltage, that is,
V. the configuration of Fig. 25.56b is used. A circuit called "common-mode
feedback" (CMFB) is used to sense the average value of the op-amp outputs (that is,
V- The output of the CMFB circuit is fed back into the op-amp to adjust V,, to the
correct value, that is, the value given by Eq. (25.62). The op-amp of Fig. 25.54 has its
Ve set by the connection of the "+" input of the bottom op-amp. In this figure, V,,, =0
V, and so it can be concluded that this configuration works with VDD = — VSS.

Veurr

N
=

®

(@)

Figure 25.56 (a) Simple gain configuration using differential output op-amp and (b) the
use of a common mode feedback circuit to adjust the common-mode output
voltage.

25.3.1 Fully Differential Folded-Cascode OTA

The fully differential (both inputs and outputs) folded-cascode OTA is shown in Fig.
25.57. The main difference between this OTA and the single-ended OTA of Fig. 25.43
is that the gate of M11 is now tied to V,,, , where, as before, it was tied to the drain of
M9. The drains of M9 and M7 are now the "-" output of the OTA. Although this
change is subtle, it drastically affects the DC biasing of the OTA.

The currents through M7-M12 are now 10 pA. The current through M5 and M6
is 15 pA. The common-mode feedback circuit should adjust the gate potential of M5
and M6, so that they provide the 15 pA of current to M1/M2 and M7-M12. For reasons
that will be clear when we discuss the CMFB circuit, the sizes of M5 and M6 are
increased to 1.5 times the size of the other p-channel MOSFETs used in the circuit.
The biasing circuit of Fig. 25.44 can be used if V,,,, is tied to the gate of MB2, and
MB?2 is resized to the W/L of the other p-channel MOSFET: in the circuit. The change
lowers the value of V, , and the maximum output swing of the OTA. Lowering V,, ,
allows the voltage on the drains of M5 and M6 to vary without letting them go into the
triode region. This is important for proper operation of the CMFB circuit.
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Figure 25.57 Fully differential folded-cascode OTA.

Compensation of the OTA is accomplished in the same manner as the
single-ended OTA except now two load capacitances are required, one for each output.

The CMFB Circuit

A common-mode feedback circuit is shown in Fig. 25.58. The inputs to the circuit are
v,, and v__of the OTA, while the output is V,,,. The unique aspect of this circuit is its
rejection of a difference-mode signal on its inputs and amplification of the
common-mode signal. This is exactly the opposite of what a single diff-amp does. To
be exact, the CMFB circuit amplifies the difference between the average of the outputs,
(v,, +v,)/2 and V,. Through the use of feedback, through the OTA, the averages of
the outputs and V,,, are made equal. This is similar to how feedback is used to set the
inputs of an op-amp, v, and v_, equal. We will cover the feedback mechanism further
during the discussion of compensating the CMFB circuit. The MOSFETs MF1/MF2
and MF3/MF4 are simply current sources (10 pA for the sizes and currents shown in
Fig. 25.57). In the following discussion, we will assume VSS = 0, VDD = +5 V, and
Ve =2.5V.

To understand the operation of the circuit, let's first consider the DC case when
both v, and v,_are 2.5 V. (This is what we ultimately want, that is, both outputs' DC
component equal to the common-mode voltage.) The gates of MF5-MF8 are at 2.5 V,
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Figure 25.58 Common-mode feedback circuit.

and their drain currents are 5 pA. The current through MF9 is 10 pA. This current
sets the V. of MF9. Since MOSFETs M5 and M6 of the OTA are 1.5 times the size of
MF9, a current of 15 pA flows in these MOSFETs. This is the current required by
M1/M2 and M7-M12, and so the CMFB circuit output doesn't change. Mismatches in
the MOSFETs used in either the CMFB circuit or the OTA will result in an offset
voltage.

If v,, and v_ go above V,,, , then the drain currents of MF6 and MF7 start to
decrease. This causes V., to increase toward VDD. The increase in V,,,, causes the
drain currents of M5 and M6 to decrease. Since the current through M9-M12 is
constant, the result is a decrease in the average output voltages. A similar argument can
be made for the case when v,, and v,_are below V,,; that is, the average output voltage
increases because the current flowing in MF9 increases. Next consider the correct
possible outputs v,, = 3.5 V and v,_= 1.5 V. These voltages lie outside the CMR range
of the CMFB diff-amps. An incremental change in the inputs to the OTA can cause the
outputs to become unbalanced. For example, if v,, =3.0 Vand v, = 1.5V then V.,
doesn't change (assuming the diff-pair CMR is a few-hundred mV). However, through
the use of feedback around the OTA, either resistive (for an OTA with buffer) or
capacitive feedback, the outputs will change until the OTA inputs are equal (i.e., v, =
v), which can occur even if the outputs are unbalanced (i.e., v,, — v,_is correct, but v,
does not equal —v, ).

One solution to increasing the CMFB circuit's CMR is to increase the lengths of
MFS5 through MF8. This decreases the transconductance of the diff-amp and thus
lowers the gain of the CMFB circuit. Low CMFB circuit gain makes balancing the
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outputs more difficult. Also the circuit's 3-dB frequency decreases, which can affect the
compensation of the CMFB/OTA combination.

Figure 25.59 shows an alternative CMFB circuit [8], which operates over wide
output voltage swings. In some cases, the buffers can be implemented using
source-followers. The average of v,, and v,_ is generated with the help of the
resistor/capacitor combination and applied to the gate of M1. This scheme ensures fully
balanced outputs over a voltage range limited by the CMR of the buffers.

VDD

Vot I : Vecurs

Buffers
Voo R % c
+ I 20 pA

Vo+ + Vo-

2

Figure 25.59 Improved range CMFB circuit.

A simple method of changing a single-ended -input signal referenced to ground
into a signal usable in a differential system is shown in Fig. 25.60. The p-channel
MOSFETs perform two functions: (1) DC level shifting (adding V,, of the p-channel

VDD VDD
OO
Vin+ Vsc
Vsc

Vin Feedback is not shown.
See Sec. 26.3.2 for a
detailed discussion of

single to differential
conversion.

A4

Figure 25.60 Circuit used to change a single-ended input signal into a differential signal.
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MOSFET: to the input signal) and (2) buffering the input signal. Note that the value of
Ve 18 not critical - it simply moves the input signal into the CMR of the op-amp. The
output DC level of the op-amp is determined by the CMFB circuit. (V,, should be close
to V,,, if resistive feedback is used in order to reduce the amplifier input DC current.)

Compensating the CMFB Circuit

The CMFB circuit combined with the folded-cascode OTA forms a feedback loop. As
with any feedback loop, we must ensure stability. If we apply a common AC signal
(let's call it v, ) to both inputs of the CMFB amplifier of Fig. 25.58, the resulting gain is

VCMFB __ Ems

e = g~ 1 (25.64)
where g,,; is the small-signal transconductance of MF5, MF6, MF7, or MF8 and g, is
the small-signal transconductance of MF9. The bandwidth of this configuration is very
wide. This is important since we do not want any phase shift through the CMFB circuit
to degrade the phase-margin of the feedback loop. To actually understand the feedback
mechanism present, consider the simplified drawing of the OTA/CMFB circuit shown
in Fig. 25.61. One side of the folded-cascode amplifier is shown, and the CMFB circuit
is drawn as a gain block. The gain from the gate of M5 to the output (the drain of M8)
is g,sR, , where R, is output resistance of the cascode configuration given by Eq.
(25.56). If the bandwidth of the CMFB amp is wide compared to the OTA and the gain
is approximately one, then the same load capacitance used to compensate the OTA can
be used to compensate the CMFB amp.

M5 M8

P Vout
VDD | | || 1 c
| 1
Vbiasz
VCMFB 4 Yoo
\J n-channel MOSFETs
CMFB amp M9-M12 not drawn

Figure 25.61 Feedback circuit resulting from addition of the CMFB circuit.

Simulation results for the fully differential folded-cascode OTA of Fig. 25.57,
using a C, of 6.1 pF (f, = 1 MHz) on each output, are shown in Fig. 25.62. For these
simulations, VDD =5 V, V§S§ =0, and v, = 2.5 V (DC) + AC, while v. =25V +
AC@180° phase. Interdigitated layout was employed in the folded-cascode section to
increase matching. The folded-cascode OTA with common-source output buffers is
shown, drawn slightly different than Fig. 25.57, in Fig. 25.63. The CMFB circuit
inputs can now be connected to the outputs of the source followers. Layout of the
fully-differential folded-cascode OTA is shown in Fig. 25.64. The bias voltages are
supplied on polyl.
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Figure 25.62 Magnitude and phase responses of the folded-cascode OTA of Fig. 25.57.
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Figure 25.63 Fully differential folded-cascode op-amp.
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Figure 25.64 Layout of the folded-cascode OTA.

A buffered differential op-amp topology is seen in Fig. 25.65 without the input
diff-amp drawn. This topology uses the floating current sources discussed in Sec.
25.2.2. The middle string of MOSFETSs shown in this figure are used for biasing.
However, if the diff-amps source or sink current into the outer MOSFETs, in this
section of the op-amp, the biasing can be affected to the point where the op-amp doesn't
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Figure 25.65 Buffered differential output op-amp using floating current sources.
Note that the output buffers will not operate class AB when one of
the diff-amps is off.
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Figure 25.66 Input diff-amps for the op-amp of Fig. 25.65.
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function. For this reason, the diff-amps shown in Fig. 25.66 are used. The node
numbers in this figure correspond to the labeled nodes in Fig. 25.65. These diff-amps
do not source or sink a current; for DC biasing purposes, therefore the diff-amps can be
connected directly to the folded-cascode section of Fig. 25.65 without any interaction.

The final component required in the design of this op-amp is the CMFB circuit
Fig. 25.67. Since the outputs of the op-amp are buffered, we can connect the outputs
directly to the averaging resistors. When the outputs are balanced, the CMFB circuit
does not source or sink a current and thus does not affect the folded-cascode section.
However, if the average of the outputs is above V,,, then the outputs source a current,
shifting the average output voltage lower until the outputs are balanced (i.e., v, =-v ).

m‘% | [j

Vot T Vo

T e
Vbiaxz————————{
Vbias4___—_’

VSS§

0-{§
o

Figure 25.67 Common-mode feedback circuit for the op-amp of Fig. 25.65.

25.3.2 Gain Enhancement

Up to this point, the only method we have had to increase the gain of an op-amp is
decreasing the biasing currents. The problem with lowering the bias currents is that our
unity gain frequency drops (more on this at the end of the section). In addition, the gain
of an op-amp is ultimately limited to the gain of the MOSFET in the subthreshold
region (see Fig. 22.15). Gain-enhancement techniques help to overcome these
limitations.

Gain-enhancement can be demonstrated with the help of Fig. 25.68 [9].
Without the OTA present, the gain of this cascode amplifier is g,,-R, where R, is the
resistance looking into the drain of M2, that is, 7 (1 + g,,'7,)); see Eq. (20.12). With
the OTA in place, the output resistance becomes

Roge= roz[l + (1 +AOTA)8m2r0]] (25.65)

where A, is the voltage gain of the OTA. The gain of the cascode configuration with
gain enhancement is
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Ave=Aora - (gm1 - Ro) (25.66)

Adding the OTA to the circuit increased the gain of the configuration by A,,,. We can
apply this technique to increase the gain of the fully differential folded-cascode OTA of
the last section but not to a single-ended output op-amp. Because of the lack of CMFB
in single-ended output op-amps, the DC biasing becomes too difficult to implement in
most cases.

Vbias_____.____ +
Aora M2
—_— l Cc
‘_iMl

Vout

v,-n—_.i

Figure 25.68 Use of gain enhancement to increase cascode open-circuit gain.

Figure 25.69 shows the op-amp of Fig. 25.57 (or Fig. 25.63 without output
buffers) implemented using gain-enhancement techniques. To keep things simple, we
have used the same DC biasing voltages, those generated with the circuit of Fig. 25.44.
In practice, the biasing voltages would be changed since now the sources of M7/M8 are
held at V,,,. The wide-swing OTA of Fig. 25.30 was used in this amplifier simply
because it has already been characterized in the chapter. The gain of the OTA is 240
V/V (47 dB). The cascode amplifier without gain enhancement had an open-loop gain,
from Fig. 25.62, of 68 dB (single-ended output) and 74 dB (double-ended output). We
can estimate the open-loop gain of the OTA of Fig. 25.62 as 68 dB + 47 dB, or 115 dB.
Note that since we have not changed the transconductance of the input diff-amp, we can
still compensate the OTA with a 6.1 pF for a unity gain frequency of 1 MHz. The gain
enhancement simply shifts the open-loop 3 dB frequency of the OTA downward.
Simulation results are shown in Fig. 25.70.

High-Speed CMOS Op-Amp Design

Up to this point we have not been concerned about designing an op-amp for high-speed
operation. The unity gain frequency of the OTAs we have discussed thus far is given by
g8,/2nC, where g, is the transconductance of the input diff-amp and C, is the load
capacitance used to compensate the OTA. We might conclude that simply by increasing
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Figure 25.70 Simulation results for the op-amp of Fig. 25.69.

Microchip Ex. 1055, p. 699
Microchip v. Aptiv

IPR2024-00230



Chapter 25 Operational Amplifiers 677

the width of the input diff-pair, possibly to several thousand um, we can increase the
unity gain frequency. While this is true to a point, the intrinsic speed of the MOSFET
limits the practical unity gain frequency. (Every MOSFET introduces a parasitic pole
into the overall transfer function of the op-amp.) In Ch. 9 we discussed the unity gain
frequency of a MOSFET, f,. This frequency f, is determined by the point where the
gate current and drain current of the MOSFET are equal and is given by

fr= 3-KP

= W - (Vgs — Vran) (25.67)

The channel length, L, and Vg, can be used to increase f.. For high-speed operation,
the minimum channel length should be used. In the CN20 process, this means that all
MOSFETs used in an amplifier should have a channel length of 2 um. The gate-source
voltage of a MOSFET should also be large. However, as we know, increasing the
gate-source voltage of a MOSFET decreases the input CMR and output voltage swing.
A reasonable value of V- V,,, for high-speed operation is 0.5 V.

The folded-cascode OTA of Fig. 25.57 can be implemented using 1000/2
MOSFETs and increasing the biasing current to 1 mA. MOSFETs M5 and M6 are
1500/2 because they supply 1.5 mA. Note that the CMFB circuit can be scaled down to
reduce power dissipation; for example, the MOSFETs used in this circuit can be 100/2.
With a 5 pF compensation capacitor, the simulation results are shown in Fig. 25.71.
The open-loop gain is 48 dB (250), while the unity gain frequency is 70 MHz. The low
value of open-loop gain is the result of using a 2 pm device with a A of approximately
0.8 V™' and a large biasing current (1 mA).

Vot

dB ve—v_ LVor
60.0 200.0
400 N

\ 1000
200 \
\ 00

0.0 \
\__\
-100.0 N
-200 \ \

-2000
-40.0 100 103 10 10°5 10°6 10°7 1078 107
100 1073 10% 10%5 10%6 10°7 10%8 10%9 04107 0% 1079
frequency Hz

frequency Hz

Figure 25.71 Simulation results of OTA shown in Fig. 25.57 using 1000/2 devices.
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Figure 25.72 Simulation of uncompensated OTA shown in Fig. 25.69 using 1000/2 devices.
(This OTA is stable without a compensation capacitor.)

The gain of this OTA can be increased using the gain-enhancement technique
shown in Fig. 25.69. With gain enhancement we would expect the low-frequency gain
to become 48 dB + 47 dB (the gain of the OTA of Fig. 25.30), or 95 dB. The
open-loop, uncompensated gain of the gain-enhanced OTA is shown in Fig. 25.72.

Several characteristics of this plot deserve comment. First, the OTA used to
enhance the gain, Fig. 25.30, does not need to be a wide-bandwidth stage. In fact, as
long as its unity gain frequency is greater than the nonenhanced 3-dB bandwidth of the
main OTA (simulation results shown in Fig. 25.71), the added OTA will not affect the
gain. In other words, the OTA of Fig. 25.30 with 2.1 pF compensation capacitor has an
f, of 2.3 MHz. As long as the 3-dB bandwidth of the folded-cascode OTA without
enhancement is smaller than 2.3 MHz, the added OTA will not affect the low-frequency
gain. From Fig. 25.71 the 3-dB frequency of the nonenhanced OTA is approximately
200 kHz, which is less than the 2.3 MHz (f,) of the added OTA.

Next we should notice that a pole and zero occur at almost the same frequency.
This is called a doublet [10]. Although the phase margin is not degraded from the
presence of this doublet, the settling time can be affected. With the use of gain
enhancement, the settling time is improved (shortened). The feedback loop formed with
the added OTA helps to decrease the time it takes the error signal to propagate back
through the overall amplifier. Since the added OTAs form localized feedback loops on
the outputs of the amplifiers, the error signal can get fed back with less delay. Adding
the compensation capacitor of 5 pF to the gain-enhanced OTA gives the simulation
results shown in Fig. 25.73. Keeping in mind that this op-amp was designed with a 2
um process, we see that the results are impressive: a low-frequency gain of 94 dB
(50,000) and a unity gain frequency of 30 MHz.
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Figure 25.73 Simulation results of the fully differential OTA of Fig. 25.69
(see text for description).
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PROBLEMS

25.1

25.2

25.3

25.4

Calculate the gain of the op-amp shown in Fig. 25.3 if the resistor is replaced
with a 1 A current source.

Determine the maximum output source and sink currents for the op-amp of Fig.
25.11 for a maximum V, (of M9) or V,; (of M10) of 1.5 V.

Referring to the op-amp of Fig. 25.11, determine the small-signal resistance
looking into

(a) the sources of M1 and M2 (neglect body effect)
(b) the drain of M6

(¢) the source of M7

(d) the drains of M1 and M2

(e) the sources of M9 and M10 (neglect body effect).

What is the small-signal resistance to ground at the drains of M1/M3, M4/M2,
and M7/M91 in Fig. 25.11?
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25.5

25.6

25.7
258

25.9

25.10

25.11

25.12

25.13

25.14

25.15

25.16

25.17

25.18

25.19

If the drain current of M6, in Fig. 25.11, is reduced to 5 pA, what are the drain
currents in M3, M4, M7, and M9?

If width of M7, in Fig. 25.11, is increased to 140 um, how would M8 be resized?
With these sizes, what quiescent current would flow in M9 and M10?

Derive Eq. (25.24).

Assume that an op-amp is needed that will always be used with feedback to get a
gain of ten. Suggest a modification to Eq. (25.13) for compensating this
op-amp. Suggest a circuit configuration, based on Fig. 25.7, that will allow
simulating the stability of the op-amp.

Simulate the operation of the op-amp of Fig. 25.11 with SPICE and verify the
results shown in Fig. 25.12.

Simulate the operation of the op-amp of Fig. 25.11 and determine the input
offset voltage, the output voltage swing, the CMRR, the power dissipation,
PSRR, and the slew-rate limitations.

If the OTA of Fig. 25.22 is made using 15/5 n-channels, 70/5 p-channels, and
biased with a 10 pA current source, determine the small-signal, low-frequency
gains i, /(v,—v,) and v, /(v, — v,).

out

Repeat Ex. 25.1 if the bottom of the 100k resistor in Fig. 25.24 is connected to
-2.5V.

Repeat Ex. 25.2 using the high-pass transconductor-C filter shown in Fig. 25.27.
The capacitor value remains 8.75 pF.

If the OTA of Fig. 25.29 is made using 15/5 n-channels, 70/5 p-channels, and
biased with a 10 pA current source, determine the small-signal, low-frequency

gains i, /(v, —v,) and v, J(v, — v,).

If the minimum voltage across the current sources in Fig. 25.30 is 0.3 V,
estimate the input CMR if VDD =5 and VSS = 0.

Discuss, in your own words, the problems with compensating the OTA of Fig.
25.30.

Determine, using hand-calculations, the small-signal, low-frequency voltage
gains of the OTA shown in Fig. 25.30 with V,,= 0.8 V,2.5 V, and 4.2V.

Redesign the regulator of Ex. 25.3 so that the output voltage is 2.0 V. Show all
hand calculations, a schematic for your design, and estimate the phase margin.

If the 10 pA bias current of Fig. 25.42 is changed to 1 pA, what happens to the
currents in the folded-cascode OTA? What is the small-signal voltage gain with
1 pA bias current?
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25.20 How can the biasing circuit of Fig. 25.44 be simplified? (Hint: Two of the
MOSFETSs are not necessary.)

25.21 Label the DC biasing currents on the schematic of the wide-swing
folded-cascode OTA of Fig. 25.45 if the biasing circuit of Fig. 25.44 is used with
I=1yA, MBI is sized 15/20, MB2 is sized 35/10, and all other MOSFETS are
sized 70/5 (p-channels) and 15/5 (n-channels).

25.22 Estimate the small-signal gains, i /v, and v, /v, ,of the OTA described in
Problem 25.21. What size of load capacitance would be needed to compensate
the op-amp for an f, of 1 MHz?

25.23 Design an output buffer for the OTA of Problem 21 that can source or sink 100
HA. Assume, for your design, that VDD = -VSS = -2.5 V and that the output
voltage swing is +/~ 1 V.

25.24 Verify the operation of the op-amp design of Problem 25.21 with SPICE. Show
a plot similar to Fig. 25.46 with the op-amp driving a 10k resistor. Using
SPICE, the phase margin of your design with and without the 10k load resistor.

25.25 Figure P25.25 shows a floating current source made using MC1 and MC2.
Determine the size of MC1/MC?2 so that 30 pA flows in M5 and M9.

25.26 If the minimum voltage between the drain and source of any MOSFET in Fig,
25.49 is 0.4 V, estimate the minimum VDD possible for the op-amp assuming
VSS = 0. Comment on the problems of operating the op-amp at this voltage.

25.27 Discuss the purpose of the CMFB circuit in differential input/output op-amps.

25.28 Determine the CMR of the CMFB circuit of Fig. 25.58. For the CMFB circuit of
Fig. 25.59, does the CMR of the diff-amp affect the operation of the circuit?
Why or why not?

\{PD

Va2 9| lm HA MC1 !D———w—c 205

- 2005 | -
VbiasB -

% ] llO RA
L_| 20/5 g M9, 60/5 Vpiast =1 N
—g7 ; Figure P25.25

o

Vbiasl -9
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Chapter

26

Nonlinear Analog Circuits

The past six chapters have presented the design of linear analog circuits, circuits whose
input signals are linearly related to the circuits’ output signals. In this chapter, we
discuss several circuits that are not purely analog or digital. We term these circuits
nonlinear analog circuits (the inputs are not linearly related to the outputs). In
particular, we will discuss voltage comparator analysis and design, adaptive biasing,
and analog multiplier design.

26.1 Basic CMOS Comparator Design

The schematic symbol and basic operation of a voltage comparator are shown in Fig.
26.1. The comparator can be thought of as a decision-making circuit. If the +, v,, input
of the comparator is at a greater potential than the —, v_, input, the output of the
comparator is a logic 1, whereas if the + input is at a potential less than the — input, the
output of the comparator is at a logic 0. Although the basic op-amp of the last chapter
can be used as a voltage comparator, in some less demanding low-frequency or speed
applications, we will not consider the op-amp as a comparator. Instead, we will discuss
practical comparator design and analysis where propagation delay and sensitivity are
important.

Comparator

v+ >v_ then vy = VDD =logic 1

+

Vi

Vout

vy <v- then vy, = VSS = logic 0

Figure 26.1 Comparator operation.
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686 Part IV Mixed-Signal Circuits

A block diagram of a high-performance comparator is shown in Fig. 26.2. The
comparator consists of three stages; the input preamplifier, a positive feedback or
decision stage, and an output buffer. The preamp stage (or stages) amplifies the input
signal to improve the comparator sensitivity (i.e., increases the minimum input signal
with which the comparator can make a decision) and isolates the input of the
comparator from switching noise coming from the positive feedback stage (this is
important). The positive feedback stage is used to determine which of the input signals
is larger. The output buffer amplifies this information and outputs a digital signal.
Designing a comparator can begin with considering input common-mode range, power
dissipation, propagation delay, and comparator gain. We will develop a basic
comparator design using a procedure similar to the last chapter's development of the
basic op-amp.

V+ Logic levels
Vour
Vo — —>
Lo-
Preamplification Decision circuit Postamplification
(positive feedback) (output buffer)
Figure 26.2 Block diagram of a voltage comparator.
Preamplification

For the preamplification stage, we chose the circuit of Fig. 26.3. This circuit is a
differential amplifier with active loads. The sizes of M1 and M2 are set by considering
the diff-amp transconductance and the input capacitance. The transconductance sets the
gain of the stage, while the input capacitance of the comparator is determined by the
size of M1 and M2. We will concentrate on speed in this design, and therefore we will
set the channel lengths of the MOSFETs to 2 um. (Channel length modulation gives
rise to an unwanted offset voltage.) Notice that there are no high-impedance nodes in
this circuit, other than the input and output nodes. Using the sizes given in the
schematic, we can relate the input voltages to the output currents by

i =820, ) +!-;ﬁ = Iss—ip- =20 A — iy (26.1)
where, for the present case,
10 <nHA HA
=gml =gm = |25 50==. = 2
Em=8ml =gm J > 50VZ 10pnA =71 v (26.2)
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Chapter 26 Nonlinear Analog Circuits 687

In other words, if v, is 10 mV greater than v_, the output currents, i, and i _, are 10.35
pA and 9.65 pA, respectively. To further increase the gain of the first stage, we can
size up the widths of MOSFETs M3 and M4 relative to the widths of M31 and M41.

VDD =5V

M3l M3

32 3/2

M41_lb ‘{ M4

32 3n
l o l

+ l:, M1 M2 -

‘ 1012 1012 {
+ ‘ r— +

L l]ss =20 pA é

Figure 26.3 Preamplification stage of comparator.

Decision Circuit

The decision circuit is the heart of the comparator and should be capable of
discriminating mV level signals. We should also be able to design the circuit with some
hysteresis (see Ch. 18) for use in rejecting noise on a signal. The circuit used in the
present comparator is shown in Fig. 26.4 [1]. The circuit uses positive feedback from
the cross-gate connection of M6 and M7 to increase the gain of the decision element.

Let's begin by assuming that i, is much larger than i,_so that M5 and M7 are on
and M6 and M8 are off. We will also assume that B, = B, = B, and B, = B, = B,. Under
these circumstances, v,_is approximately 0 V and v,, is
Vot = Zos + Vran (26.3)

Ba

If we start to increase i _ and decrease i_,, switching takes place when the drain-source
voltage of M7 is equal to V,,,, of M6. At this point, M6 starts to take current away from
MS5. This decreases the drain-source voltage of M5 and thus starts to turn M7 off. If we
assume that the maximum value of v, or v,_is equal to 2V, , then M6 and M7 operate,
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Ba=Ps=Ps

Pe=Ps =P io+l li -
Vo+ d ? M6 M ' Vo~
He S e
v

Figure 26.4 Positive feedback decision circuit.

under steady-state conditions, in either cutoff or the triode regions. Under these
circumstances, the voltage across M7 reaches V,,, , and thus M7 enters the saturation
region, when the current through M7 is

. _Bs Bs .

- =—(Vor — VTHN)2 =7 lo+ (26.4)

2 Ba

This is the point at which switching takes place; that is, M7 shuts off and M6 turns on.
If B, = B, then switching takes place when the currents, i, and i_, are equal. Unequal
Bs cause the comparator to exhibit hysteresis. A similar analysis for increasing i, and
decreasing i,_yields a switching point of

Lo+ = %ﬁ' “lo- (26.5)

Relating these equations to Eq. (26.1) yields the switching point voltages (review Ch.
18), or

Bs
Ba_1
Vspr=v,—v_= Iss Ba for Bz = Pa (26.6)
&m Boyg
Ba
and
VspL =~ Vspr (26.7)

For the present design under development, we will use 3 um and 2 ym device widths
and lengths (no hysteresis and the offset voltage is not important).

Example 26.1

For the circuit shown in Fig. 26.5, estimate and simulate the switching point
voltages for two designs: (1) Wy = W, = W, = W, = 3 pm with L = 2 pm and (2)
W, =W, =3 ym and W, = W, =4 um with L = 2 ym.
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i
7 s

ml i io-

VDD =5V

Vo-

L

Figure 26.5 Schematic of preamp and decision circuit.

For the first case
HA 3 um
=B,=50 2. 22
Ba=Pp=50 V2 2pm

so that V,, = Vg, = 0. In other words, the comparator does not exhibit
hysteresis.

Simulation results are shown in Fig. 26.6. The input v_is set to 2.5 V while the
input v, is swept from 2.0 to 3.0 V. Note that the amplitudes of v, and v,_are
limited to approximately 2V, .

For the second case

LA 3 um LA 4 um
= 50 — e St———— = — s ————
BA VZ 5 m and [33 50 VZ 5 wm
or Bp=1.33B4. Using Egs. (26.6) and (26.7) with I, = 20 pA and g, = 71
HA/V, we get

Vspr =— Vspr =40 mV

The simulation results are shown in Fig. 26.7. Fig. 26.7a shows a sweep of v,
from 2.4 to 2.6 V, with v_held at 2.5 V. Since Vg, is 40 mV the decision
circuit switches states when v, is 40 mV above v_(i.e. when v, = 2.54 V). The
case of v, being swept from 2.6 to 2.4 V is shown in part (b) of the figure.

Switching occurs in this situation when v, = 2.46 V, or 40 mV less than 2.5 V.
- :
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2.0
Volts —
1.5 \
Vo- Vor
1.0
0.5 / \
0.0
1.9 2.0 2.1 2.2 2.3 2.4 2.5 2.6 2.7 2.8 2.9 3.0
sweep v
Input v4 swept withv_=2.5V
Figure 26.6 Simulation results for case 1 of Ex. 26.1.
Output Buffer

The final component in our comparator design is the output buffer or postamplifier.
The main purpose of the output buffer is to convert the output of the decision circuit into
a logic signal (i.e., 0 or 5 V). The output buffer should accept a differential input signal
and not have slew-rate limitations.

2.0 2.0
a ®
Volts| ( ) ~ ' Volts ' P V4
s A < —
1.5 \ 1.5 A
/ Vo- \
%
Vo- o Vo+
1.0 , 1.0
//7 \\
254V ' 246V
0-3 / L 0-5 \
0.0 0.0
2.40 2.45 2.50 2.55 2.60 2.40 2.45 2.50 2.55 2.60
sweep v Vi v.=25V sweep v

Figure 26.7 Simulation results for case 2 of Ex. 26.2.
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The circuit used as an output buffer in our basic comparator design is shown in
Fig. 26.8. This circuit is a self-biasing differential amplifier [2]. An inverter was added
on the output of the amplifier as an additional gain stage and to isolate any load
capacitance from the self-biasing differential amplifier. A DC sweep of this amplifier
configuration is shown in Fig. 26.9. The input v, is swept from 1 to 4 V, while v,_is
held at 1 to 3.5 V in 0.5 V increments. It is apparent that the inputs, v , and v, should
lie within 1.5 and 3 'V for linear operation of the output buffer. Comparing this result
with the output of the positive feedback circuit, which varies from 0 to 1.5 V, we see a
problem in connecting the decision circuit directly to the output buffer. To shift the
output of the decision circuit up approximately 1 V, the circuit of Fig. 26.10 is used.
The MOSFET M17 is added in series with the decision circuit to increase the average
voltage out of the decision circuit. The size of the MOSFET is somewhat arbitrary. We
will set W,,/L,, = 100 um/2 um so that the output of the decision circuit is increased by
approximately V.. The complete schematic of the comparator is shown in Fig. 26.11.
Unlabeled MOSFETsS are 3 pm/ 2 pm.

VDD =5V
—c{ M9
_! d M13
Mi10
Voo L ‘{ Vo+
Mil1 Mi14
1 [ VDD =5V
—{ M12 ] MiS
Vout
All MOSFETs minimum M16
size, WL =3 ym/2 um g

Figure 26.8 A self-biasing differential amplifier used as the comparator output buffer.

26.1.1 Characterizing the Comparator
Comparator Gain and Offset

With v_held at 2.5 V, the v, input of the comparator is swept from 2.49 to 2.51 V, with
the result shown in Fig. 26.12. An important parameter of a comparator is its offset
voltage. From this figure we can see that the systematic offset voltage is approximately
1 mV. The next chapter will discuss dynamic methods of eliminating the offset voltage.

Microchip Ex. 1055, p. 713
Microchip v. Aptiv
IPR2024-00230



692 Part IV Mixed-Signal Circuits
6.0
Vo+r = 3.5 V
W —
4.0
Vou 15V 20V 25v| 30V

sweep v

Voo

Figure 26.9 DC sWeep of the self-biasing amplifier of Fig. 26.8.

Figure 26.10 Use of a large MOSFET, M17, to level shift the output of the decision circuit.
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5V

;{H | Output buffer
4; s
H

B[,

Figure 26.11 Complete schematic of comparator.

Vo+

If we take the derivative of the transfer curves, the gain of the comparator and thus the
smallest difference that can be discriminated between v, and v_ become known. Figure
26.13 shows the gain of the comparator at about 2,000 so that approximately 2.5 mV is
needed to make the comparator output change logic levels. The comparator gain can be
increased by increasing the transconductance of the preamp, that is, by increasing the
widths of M1 and M2 or by adding additional inverters. Adding another gain stage to
the preamp will also increase the comparator overall gain.

Transient Response

The transient response of a comparator can be significantly more difficult to
characterize than the DC characteristics. Let's begin by considering v_ = 2.5 V DC,
with the v, input to the comparator a 10 ns wide pulse and an amplitude varying from
2.49 to 2.51 V. This is termed a narrow pulse with a 10 mV overdrive; we are driving
the + input of the comparator 10 mV over the negative input. The simulation results for
these inputs are shown in Fig. 26.14. If the pulse amplitude or width is reduced much
beyond this, the comparator does not make a full transition. Notice how the simulation
starts at 200 ns.

Although these results are interesting, they are not practically useful in some
situations. In few cases will the comparator discriminate a signal similar to that of Fig.
26.14a. A better indication of comparator performance is to apply a signal that starts at
a voltage where one side of the differential amplifier is cut off and to finish at a voltage
slightly larger than the reference voltage (2.5 V in the above example). Applying a 0 to
2.51 V pulse to the v, input will cause M1, M3, and M31 to be initially off and then
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Figure 26.12 DC characteristics of the comparator of Fig. 26.11 with —input connected to 2.5 V.

turn on. The comparator nodes must be charged over a voltage range of 0 to 2.51 V
input, wider than the 2.49 to 2.51 V example of Fig. 26.13. In order to keep one side of
the preamp from turning off, the circuit of Fig. 26.15 can be used. The diode connected
MOSFETs ensure that the voltage between the drains of M31 and M41 are always
within a V,, of one another. This configuration is sometimes referred to as a clamped
input stage.

25 j

1

00
2490 2485 2.500 2.505 2510

sweep Vv
Vi, V

Figure 26.13 Comparator gain as a function of input voltage.
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time ns v.=25V time ns
(a) (®)

Figure 26.14 Comparator input (a) and corresponding output (b)
Inverting input held at 2.5 V potential.

VDD
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M4l j*}-"—————————

MC1
1
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Figure 26.15 Using MOSFETS to keep active loads of preamp from shuting off.

Propagation Delay

Ideally, the propagation delay (the time difference between the input, v,, crossing the
reference voltage, v, and the output changing logic states) is zero. For the comparator
of Fig. 26.11 with simulation results shown in Fig. 26.14, the delay of the comparator is
approximately 10 ns (or less with an overdrive). This should be compared with the
delay of an op-amp used as a comparator, which may be several hundred nanoseconds.
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Another interesting fact about comparator design is that the delay of a comparator can
be reduced by cascading gain stages. In other words, the delay of a single high-gain
stage is in general longer than the delay of several low-gain stages.

Minimum Input Slew Rate

The last characteristic we will discuss is the minimum input slew rate of a comparator.
If the input signals to the comparator vary at a slow rate (e.g., a sine wave generated
from the AC line), the output of the comparator may very well oscillate while the
comparator is trying to decide what state it should be in. If a comparator is to be used
with slow, varying signals or in a noisy environment, the decision circuit should have
hysteresis. The minimum slew rate is difficult to simulate with SPICE because of the
slow and fast varying signals present at the same instant of time.

Improvements in Sensitivity and Speed

Improvements in comparator sensitivity and speed can be directly related to
improvements in the preamplifier. A derivation (similar to that given in Ch. 11 for
minimum delay through an inverter string driving a load capacitance, C, ) of the
number of stages, N, needed in a preamplifier to reach minimum delay for a given load
capacitance and input capacitance results in

Cr

=]
N ncm

(26.8)

In the derivation of this equation, it was assumed that the driving resistance of any stage
is 1/g, (the transconductance of the n® differential amplifier stage). In practice, Eq.
(26.8) is of little use because one side of the differential amplifier can be off. For this
reason (and others such as size and power draw), comparators with more than two or
three preamp stages are not common. Figure 26.16 shows a two-stage preamp with
decision circuit.

Clocked Comparators

Figures 26.17 [3] and 26.18 [4] show two clocked comparators used in analog-to-digital
converter design. The use of a clock pulse can greatly improve comparator performance
and speed.

The clocked comparator shown in Fig. 26.17 is a clocked version of the
comparator of Fig. 26.11. The use of a clock eliminates the need for an output buffer
used in level shifting the output of the decision circuit. When LATCH is high, the
comparator behaves like the preamp and decision circuit of Fig. 26.11. The output of
the decision circuit is dependent on the input signals. When LATCH is taken low,
ML1 shuts off, effectively latching the outputs at a logic high or low. That is, the
comparator stops comparing and remembers the status of the inputs at the instant
LATCH is switched low.

This comparator has the unwanted characteristic of continuously drawing power.
Adding a MOSFET switch, similar to ML1 in series with the decision circuit, in series
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Vo+ Vo-
——

HE M

Stage 2

Figure 26.16 Two-stage preamp with decision circuit.

with the preamp current source can significantly reduce power draw. Under DC
conditions, the comparator doesn't draw power when LATCH is low with this switch
added.

The second clocked comparator design shown in Fig. 26.18 is based on the
regenerative latch. Again, the comparator is made up of three stages: preamp, positive
feedback decision circuit, and output buffers. The regenerative latch (cross-coupled
inverters) is made up of M1 through M4. When Latch is low, the p-channels, M1 and
M2, of the latch are isolated from the n-channels, M3 and M4. In addition, the outputs
of the decision circuit are pulled high, that is, the outputs of the comparator are low,
Q=0=0. When Latch signal transitions high, the regenerative action of the latch
combined with the preamplifier causes an imbalance in the decision circuit, forcing the
outputs into a state determined by v, and v_.
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VDD =5V
% &
e .
N _ 0
= -, T
<~ ~

Decision circuit

Preamp L‘ ij ~><_< FJ
VDD -
] ML2
g7
Latch —T ML1

Figure 26.17 Clocked comparator.
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Figure 26.18 Clocked comparator based on the basic latch.
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Figure 26.19 Self-biased comparator.
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Self-Biasing Comparator

For the final example of a comparator, consider the self-biased comparator shown in
Fig. 26.19 [2]. This circuit operates similar to the self-biased differential amplifier of
Fig. 26.8 but with a larger gain and wider input common-mode range. The DC
characteristics of the comparator are shown in Fig. 26.20. Note that because of the high
gain of this comparator configuration, the delay tends to be longer (hundreds of ns) than
the other configurations we discussed. The delay can be reduced, at the price of gain
and more power dissipation, by decreasing the widths of M1 through M4 (operating M1
through M4 in the triode region) and by using minimum channel lengths.

26.2 Adaptive Biasing

Adaptive biasing can reduce power dissipation in an amplifier while at the same time
increasing output current drive capability [5,6]. Figure 26.21 can be used to help
illustrate the idea. When v, and v,, are equal, the current sources I, and I, are zero
(an open). The diff-amp DC tail current is simply I, the same as an ordinarily biased
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sweep v
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Figure 26.20 DC sweep for the self-biased comparator of Fig. 26.19.
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Figure 26.21 Adaptively biased diff-amp.
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diff-amp. If v, becomes larger than v,,, the current source I, increases above zero,
effectively increasing the diff-amp DC bias current. Similarly, if v,, becomes larger
than v, , the current source I, increases above zero. The diff-amp output current is
normally limited to I when one side of the diff-amp shuts off. However, now the
maximum output current is limited to either I + Iy, or Is + I,. Power dissipation can
be reduced using an adaptive bias, and slew-rate problems can be eliminated.

I l ill e lIm:K(Il—Iz)
Ml:““" M2 M3 l"‘—it M4
H VTSS |

Figure 26.22 Current diff-amp used in adaptive biasing.

The current diff-amp of Fig. 26.22 can be used to implement the current source
Ig, or Ig,. If the currents I; and I, are equal, then zero current flows in M3 and M4.
Also, if I, is greater than I, zero current flows in M3 and M4. If ], is larger than [,, the
difference between these two currents (I, — 1,) flows in M3. Since M4 is K times wider
than M3, a current of K(/, — 1,) flows in M4 (normally K < 1). Two of these diff-amps
are needed to implement the adaptive biasing of the diff-amp of Fig. 26.21.

Figure 26.23 shows the implementation of adaptive biasing into the diff-amp of
Fig. 26.21. P-channel MOSFETs are added adjacent to M3 and M4 to mirror the
currents through M1 and M2 (/, and I,). The maximum total current available through
M1 occurs when M2 is off. Positive feedback exists through the loop M1, M3, M5-M7.
Initially, when M2 shuts off, the current in M1 and M3 is I;. This is mirrored in M5
and M6, and thus I, becomes K-I;. At this particular instance in time, the tail current,
which flows through M1, is now Iy, + K-I,. However, provided the MOSFETs M1, M3
- M7 remain in saturation, this current circles back around the positive feedback loop
and increases by K. This continues, resulting in a final or total tail current of

Lioe=Iss - (1+K+K*+K>+..) (26.9)

If K < 1, this geometric series can be written as

ItOl = (26. 10)

Setting K = 0 (MOSEET M7 doesn't exist) results in no adaptive biasing and a total tail
current of I . Setting K = 1/2 (M7 half the size of M6) results in a total available tail
current of 2-g,. Since the tail current limits the slew rate, when the diff-amp is driving
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Figure 26.23 Adaptively biased diff-amp.

a capacitive load, making K equal to one eliminates slew-rate limitations while at the
same time not increasing static power dissipation. In practice, shuting off one side of
the diff-pair, M1/M2, is difficult since the adaptive biasing has the effect of lowering
the source potentials of the diff-pair, keeping both MOSFETs on. Adaptive biasing can
be used in a comparator where M1 or M2 can shut off. However, the static power
dissipation will be large, and therefore there is no benefit over the comparators
discussed earlier in the chapter. When applying adaptive biasing to an OTA design, the
value of K should be unity or less. [Using a K of 1 or 2 can still result in a finite I,
since the MOSFETs have a finite output resistance and since the MOSFETSs in the
diff-pair will not shut off, as was assumed in the derivation of Eq. (26.10)]. An

adaptively biased OTA is shown in Fig. 26.24 [5].

A final example of an adaptive voltage-follower amplifier is shown in Fig. 26.25
[6]. This amplifier can only source current to a load. If v, and v, are equal, the
current that flows in M1 and M2 is I + I, If v, is increased, the current in M1 and
M3 increases. This causes the currents in M4 - M6 to increase, effectively increasing
the tail current of the diff-pair. The result is a large current available to drive the load.
Note that M7 can be sized larger than the other MOSFETS to increase maximum output
current.
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Figure 26.24 Adaptively biased OTA [5].
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Figure 26.25 Adaptive voltage follower [6].
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26.3 Analog Multipliers

Analog multipliers find extensive use in communication systems. Figure 26.26 shows
the voltage characteristics of a four-quadrant multiplier [7]. This multiplier is termed a
four-quadrant multiplier because both inputs can be either positive or negative. The
ideal output of the multiplier is related to the inputs by

Vour = Km - vxvy (26.11)

where K is the multiplier gain with units of V™. In reality, imperfections exist in the
multiplier gain, resulting in offsets and nonlinearities. The output of the multiplier can
be written as [7]

vOut = K}n(Vx -+ VOSx)(Vy + VOS)') + VOSou[ + V;l + V;,n (26.12)

where Vi, , Vo5, » and Vi, are the offset voltages associated with the x-, y-inputs, and
the output, respectively. The terms v} and v§ represent nonlinearities in the multiplier.
Normally, these nonlinearities are specified in terms of the total harmonic-distortion or

Vx Analog multiplier Vout

Vy

vy is a positive constant.

vy 1S a negative constant.
Vout
\ A
< > Vx
\4

Figure 26.26 Operation of a four-quadrant analog multiplier.
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by specifying the maximum deviation in percentages between a straight line and the
actual characteristic curves shown in Fig. 26.26 over some range of input voltages.

Although many different techniques exist for implementing analog multipliers
in CMOS [8], we will concentrate on a technique useful in high- and low-frequency
multiplication [9, 10].

26.3.1 The Multiplying Quad

A CMOS multiplier employing a multiplying quad (M1 - M4) is shown in Fig. 26.27.
The multiplying quad operates in the triode region, and thus MOSFETs M1-M4 can be
thought of as resistors. For the moment we will not consider the biasing of the quad.
The negative output voltage of the multiplier is given by

Vo-=—R-(ip1 +ip2) (26.13)
while the positive output voltage is
Vor =—R - (ip3 +ip4) (26.14)
ip1+ip2
M1
\
+ M3 — _
Vx -1 Vour
——_] " +
- = M2
M4
1L R
+ Vy -
Figure 26.27 CMOS analog multiplier.
The output voltage of the multiplier is
Vour =Vor —Vo- =R - (ip1 +ip2 —ip3 ~ips) (26.15)

A simplified schematic of the multiplying quad with biasing is shown in Fig.
26.28. The op-amp inputs are at an AC virtual ground and at a DC voltage of V,,, (the
op-amp output common-mode voltage). In order to minimize the DC input current on
the x-axis inputs, the common-mode DC voltage on this input is set to V., The DC
biasing voltage on the y-input is set to a value large enough to keep the quad in triode.
The input signals have been broken into two parts (e.g., v,/2 and —v_/2) to maintain
generality. In practice, the minus inputs can be connected directly to the bias voltages
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Ml Held at Vcu by the op-amp

Vbey Vbey

Figure 26.28 Biasing of the multiplying quad.

at the cost of large-signal linearity. (The input is not truly differential in this situation.)
However, as discussed earlier, a fully differential system has much better coupled noise
immunity.

Using Eq. (A.5) and noticing that the DC gate-source voltage of all MOSFETS is
the same, the drain currents can be written as
|4
= |- = 26.16
2 ) ( ) ] (26.16)

(
im = Bz:(VGS - VTHNZ)( %) ( )2] (26.17)
ip3 = BB:(VGS -2 VTHNB)(V_;‘) ( ) ] (26.18)

- _al vy _ BANS AL
lD4—B4-(VGS+2 VTHN4)( 2) 2( 2)} (26.19)

We can design so that B = B, = B, = B, = B, We can use Eq. (26.15) together with Eqs.
(26.16) - (26.19) to rewrite the output voltage of the multiplier as

ip1=B1 (Vcs+—— VTHNl)

v v v v
Vour =R - (%)[—y‘ — Vramn + =2+ Vg + =2 + Vrgws + T’Zy- - VTHN4:| (26.20)

2 2 2
We can see that if V,y, = (V, OF Vi) and Vi = (Vg o1 Vo), this equation can
be rewritten as
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Vour = RB *VaVy (26.21)

The source of a MOSFET (the terminal we label "source" depends on which way current
flows in the MOSFET) in the multiplying quad is connected either to the op-amp or to
the x inputs. When the sources of the MOSFETs are connected to the op-amp, all the
MOSFETs in the multiplying quad have the same threshold voltage. (Since the source
of each MOSFET is tied to the same potential, the body effect changes each MOSFET's
threshold voltage by the same amount.) If the + x-input is sinking a current, then the
sources of M1 and M3 are the "+" x-input and thus V,,, = V... In any case, the
threshold voltages of the MOSFETs cancel and Eq. (26.21) holds. Comparing Egs.
(26.21) and (26.11) results in defining the gain of this multiplier as

Kn=R-B (26.22)
Simulating the Operation of the Multiplier

Simulating the performance and understanding the analog multiplier operation is an
important step in the design process. The design of a multiplier consists of designing
the op-amp, selecting the sizes of the multiplying quad, and designing the biasing
network. Since we covered the design of differential input/output op-amps in the last
chapter, it will not be covered here. In order to simulate the performance of a multiplier
in SPICE without including the limitations of the op-amp, the simple model shown in
Fig. 26.29 will be used. The sum of the multiplying factors associated with the
voltage-controlled voltage sources, E1 and E2, is the open-loop gain of the op-amp. A
typical SPICE statement for these VCVS (voltage-controlled voltage source) where the
op-amp open loop gain is 20,000 is

E1 Voplus 843 1E4

E2 8 Vominus 4 3 1E4

where the nodes correspond to those labeled in Fig. 26.29.

Vo+

Notice that the polarity is
switched from the multiplier output.

Vo-

E1 and E2 are voltage-controlled voltage sources.

Figure 26.29 SPICE modeling a differential input/output op-amp with common-mode voltage.
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The next problem we encounter in simulating the operation of the multiplier is
implementing the differential voltages (e.g. + v, /2), in addition to the DC biasing
voltages. The setup shown in Fig. 26.20 will be used to implement the biasing and the
differential voltage sources. The op-amp common-mode output voltage, V,,,, and the x
input voltage are set to 1.5 V. The lower this voltage, the easier it is to bias the
multiplying quad into the triode region. On the other hand, a reduction in the value of
V., limits the op-amp output voltage swing and thus the multiplier output range. The
size of the multiplying quad was set to 10/2. The larger the W/L ratio of the MOSFETs
used in this quad, the easier it is to keep the quad in the triode region. On the other
hand, using a large W/L increases the required input current. The channel length can
be increased to ensure the device operates as a long channel device and follows Eq.
(A.5). Since the quad is part of the feedback around the op-amp, long channel devices
do not affect the speed. The DC voltage at the y-inputs was set to 3.5 V as a
compromise between keeping the multiplying quad in triode and the y-input voltage
range. The gain of the multiplier in Fig. 26.30 is, from Eq. (26.22),

Ky =20k50E5 10 _ 5y -1
vt 2

A DC sweep showing the operation of the multiplier is shown in Fig. 26.31.
The x-input, v,, was swept from ~1 to +1, while at the same time the y-input was
stepped from -1 to 1 V in 0.5 V increments. Keeping in mind that the output of the
multiplier is v, — v, we can understand the data presented in Fig. 26.31 by considering

M1-M4are 102. Veu=15V -

20k 20k
This multiplier was designed
assuming VDD =5 V and
35 VSS = 0.

Figure 26.30 SPICE simulation schematic.
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points A and B. At point A the y-input is 1 V while the x-input is 0.2 V. The output
voltage of the multiplier is the product of the multiplier gain and these two voltages
(ie., 5-1:0.2=1V). The output voltage at point B is 5-(-0.5)-(-0.6) = 1.5 V. Note that
this figure was generated using an almost ideal op-amp. The characteristics do not
show the limitations of the op-amp. In particular, the limited output swing. Below is
the SPICE netlist used to generate this plot.

*** Top Level Netlist ***

E1 Voplus 843 1E4

E2 8 Vominus 4 3 1E4

M1 754 0 CMOSNB L=2u W=10u
M2 11 6 4 0 CMOSNB L=2u W=10u
M3 7 6 30 CMOSNB L=2u W=10u
M4 11 5 30 CMOSNB L=2u W=10u
R10 10 7 20k

R7 10 11 20k

R8 9 5 20k

R9 9 6 20k

Rfn Vominus 4 20k

Rfp Voplus 3 20k

VCM 80 DC15ACO0O0

VCMx 100 DC15ACO00

VDCy 90 DC35AC00

VX 711 DCOAC10

Vy 586 DC1ACOO0

.MODEL CMOSNB NMOS LEVEL=4
+VFB=-9.73820E-01, LVFB=3.67458E-01, WVFB=-4.72340E-02
see Appendix A for a complete BSIM listing

***** End of spice models and macro models *****
.OPTION ABSTOL=1u RELTOL=0.01 VNTOL=1mv

Vout

|/

Vy = '—0.5

A/

~ -

2 P
><—

= s

-5.0
-1.0 -0

A
/

sweep v Vi

Figure 26.31 DC characteristics of the multiplier of Fig. 26.30.
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.probe
.DCVx-11.01Vy-11.5
.plot dc all

.print dc all

.end

26.3.2 Level Shifting

Now that we have discussed the basic operation of the multiplier, the next step is to
design the level-shifting stages. Level-shifting stages are used to implement the biasing
batteries shown in Fig. 26.28 for both the x- and y-inputs. Before we complete the
initial design of our basic multiplier, let's discuss general-level shifting and
single-ended to differential conversion since they have many applications in
single-supply chip design.

Consider the basic p-channel source-follower circuits shown in Fig. 26.32
without the body effect. The source-gate voltages of the p-channel MOSFETsS are used
to shift the input signals, which are referenced to ground, upward. This circuit could be
useful in implementing the x-input level shifter in our analog multiplier. The x-inputs
can actually go negative by V,,, before M1 or M2 goes into the triode. The main
drawback of using this circuit is the lack of common-mode rejection on the inputs.
Also, if we try to drive the circuit single-ended, that is, the minus input connected to
ground, the outputs of the circuit are not truly differential. This problem is encountered
in any single-ended to differential-ended conversion, including those circuits made
using diff-amps. Normally, the best method of designing a single-ended to
differential-ended converter is to use a high-gain differential input/output op-amp with
feedback. This configuration keeps the signal levels across the input of the op-amp
small. Figure 26.33 shows two op-amp configurations, which are useful in single- to

VDD M3 and M4 are current sources.

Msjj ‘ Vpbias (J”:}Mzi 41_:‘1\43

Vse+ V_2x — Vsc — ‘_’21

Vs * Vse

I bias ¢> — E[l [\3 —
Ve M1 M2 ),
2 T2

Figure 26.32 Level shifting using p-channel source followers.
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RF

Vout

Vewm
Assuming Vey =0

(b

Figure 26.33 (a) Differential to singled ended converter and
(b) single to differential-ended converter.

differential-ended (and vice-versa) conversion. The input/output relationship of the
differential- to single-ended amplifier of Fig. 26.33a is

Vou = &(w -v-) (26.23)
R;

The relationship between the input and outputs of the single-ended to differential
amplifier of Fig. 26.33b is

% Vi (26.24)

In this figure, we assumed a common-mode voltage of zero (ground). Figure 26.34
shows how the single- to differential-ended converter would be connected if the
amplifier was used in a system with a single supply. It is important that all
common-mode voltages used in the circuit have the same temperature coefficient. This
avoids input DC current and keeps the output of the op-amp from moving toward VDD

Vor =Vo- =

Rr

R;

Vo+
Vin
Voo

R;

VCM @5 VCM

A4

Rp

Figure 26.34 Implementation of a single- to differential-ended converter in single-supply system.
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or ground. For example, if we were to use p-channel source-followers to generate the
Vi, on the inputs of the amplifier, then we would also use a source follower to generate
the op-amp V.. This idea will be explained in greater detail when we discuss the
design of the x-input level-shifing network in our basic multiplier.

Another level-shifting circuit (also known as a floating battery) is shown in Fig.
26.35 [11]. The battery voltage generated by this circuit is given by

Ve =Vsc1 + Vs (26.25)

The small-signal resistance of the battery (i.e., the resistance between the drain and
source of M2) is 1/g,,. Normally, to keep 1/g,, small, B, is made large. This results in
a Vs, of approximately V,,,, and therefore the size of M1 is adjusted to achieve the
desired battery voltage. A potential problem exists with this configuration in its current
state. Current can only flow from the source of M2 to its drain. This means that an
input signal connected to the drain of M2 cannot source a current. Adding the current
source, /,, as shown in Fig. 26.36a helps solve this problem at the cost of an input
current - the current /, flows in v, under steady-state conditions. Adding the
source-follower, M3, shown in Fig. 26.36b eliminates input current. Using the
source-follower shifts the DC output voltage up by V.. The major benefit of these
configurations is that the input voltage can go negative by V,,,, and M1 or M3 will
remain in the saturation region. If we assume that B, and B, are large, then V,, = V,
= Ve The DC output voltage, for the circuit of Fig. 26.36b, used to shift an input
signal upward is

Vbc = Vsc1 +2Vrap (26.26)
Input Level Shifting for the Multiplier of Figure 26.27 and 26.28

In the following discussion, we are assuming that the multiplier has to be DC coupled,
the inputs are referenced to ground, and only a single supply voltage is used. The
biasing design can be greatly simplified if these conditions do not hold. For example, if
the inputs can be AC coupled, a simple resistive or MOSFET divider can be used to set

VDD

+ B - VB = Vsc1 + Vsc2
VSGI M2

Figure 26.35 Floating voltage source.
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VDD VDD
by Y

I 10} I @)

Vin+ Vg

I
Vin+ Ve + Vsas
Output

(a) (®

Figure 26.36 Adding input voltage source to battery: (a) with input current
and (b) without input current.

the DC operating conditions while the input AC signals can be connected through a
capacitor. If the inputs are referenced to, say V,, (which is what would occur if the
inputs signals are supplied by a differential input/output op-amp), then diff-amps can be
used to generate the bias voltages since the input signals now lie within the CMR of a
diff-amp.

The complete analog multiplier with level-shifting stages is shown in Fig. 26.37.
Current sources M7 and M8 are biased to source 500 pA of current. The nominal V; of
MOSFETs M5 and M6 is 1.5 V. A channel length of 2 um was used in all MOSFETs
used in the level-shifting networks for high-speed operation. MOSFETs M9 and M10
are used to generate the V,, for the op-amp (the voltage used at the gates of MF6 and
MF7 in Fig. 25.50). This guarantees that the DC reference on the x-inputs and the
output of the op-amp are the same voltage and track with temperature. This eliminates
DC input current through the multiplying quad and keeps the op-amp output from
railing at VDD or ground. Using the same circuit (in this case a source follower) for the
DC reference on the inputs and the outputs is very important. Note that in a dual supply
system, where ground is the common-mode voltage, temperature drift and op-amp
output wander are not a concern.

The y-input level-shifting network shifts the y-inputs, which are referenced to
ground up to nominally 3.6 V. MOSFETs M11 through M20 are biased at 50 pA with
a corresponding source-gate voltage of 1.2 V. This level-shifting configuration is
wide-band since all MOSFETs are operated in the source-follower configuration. Also,
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VDD VDD
Vpbias M8 Ml 20k

Yx Yz VDD
2 2 Vo
v y pbias M9
pbias
7 V& V‘D‘f VDD Vem
—4 Mi14 M10

M1-M4 are 10/2 Mil
M5-M10 are 100072

Common-mode
VDD =5V voltage for the
op-amp
M15 Mieé6
| .
M17 Mlgﬂ
M20 M19
Yy Yy
2 2

Figure 26.37 Complete analog multiplier.

in both level-shifting networks, the body effect is eliminated by laying out each
MOSFET in its own well.

The multiplier output is shown in Fig. 26.38. Note that because the gain of the
source-followers is less than one, the overall gain of the multiplier is less than five,
which is what we predicted earlier with the simple battery implementation of Fig. 26.30.

Microchip Ex. 1055, p. 736
Microchip v. Aptiv
IPR2024-00230



Chapter 26 Nonlinear Analog Circuits 715
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Figure 26.38 Simulation results for the multiplier shown in Fig. 26.37.

26.3.3 Multiplier Design Using Squaring Circuits

An analog multiplier can be designed based on the difference between the sum of two
voltages squared and the difference of two voltages squared [12], or

Vo=(Vi+V2)* = (Vi=V2)* =4V1 V, (26.27)

The basic sum-squaring and difference-squaring circuits are shown in Fig. 26.39.
MOSFETs M1 and M4 are source-followers, while MOSFETs M2 and M4 are called
squaring MOSFETs. This circuit is designed so that B, = B, = B,,, B, = B, = B,; and B,
>> B,,. This makes almost all of the DC bias currents, Iy, and Ig,, flow in the
MOSFETs M1 and M4, respectively. The squaring current, Iy, assuming that zero
current flows through the resistor when both inputs are zero volts (or whatever the
common-mode voltage when a single supply is used), is given by

Isg@) = —B':?'(VI +V2)? (26.28)
Similarly, the squaring current in the difference-square circuit of Fig. 26.39b is given by
Isow = %?(Vl ~Vo)? (26.29)

The output voltage of the sum-square circuit is given by
Vo = VDD —Isg)R (26.30)

while the output voltage of the difference-square circuit is given by
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Vor = VDD — IspiR (26.31)

A multiplier is formed by taking the difference between these voltages. The output
voltage of the multiplier of Fig. 26.39 is given by

Vow=Vor Vo = RE2[(V, 4V~ (Vi -v?]  (26.32)

or, using Eq. (26.27)
Vour =RB23 - ViVs (26.33)

VDD VDD
+ &

V
I sg(a)l % R I—m+ I SQ(b)l R
V. + vV, t
2 :———{tMl M4:1,J 1—,—__“’:1\41 M4j,l

Vi — E;th Vs :“_"‘“{H;;;in

= +

L hil
VSS VSS

Figure 26.39 (a) Sum-squaring circuit and (b) difference squaring circuit.
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PROBLEMS

26.1 A very important component of a comparator is its offset voltage. The offset
voltage of a comparator can be modeled as a DC voltage source in series with the
gate of the MOSFET used in the input diff-pair (Fig. P26.1). Regenerate Fig.
26.6, including an offset voltage of 10 mV. Comment on the effects of an offset
voltage on this plot.

Figure P26.1
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26.2

26.3
26.4

26.5
26.6

26.7

26.8

26.9

26.10

26.11

What is the input capacitance of the comparator shown in Fig. 26.11? How is
the gain of the comparator affected by using a decision circuit with hysteresis?

Design and simulate the operation of a comparator with 100 mV hysteresis.

To determine the sensitivity of a comparator, the amplitude of a wide-input pulse
is reduced until the output of the comparator does not make a full logic
transition. Determine the minimum sensitivity of the comparator of Fig. 26.11
using SPICE. Note: In practice, making sensitivity measurements is very
difficult. The comparator will oscillate, and coupled noise will affect the
measurement.

Simulate the operation of the comparator shown in Fig. 26.18.

Discuss the benefits and problems of using the output buffer shown in Fig. P26.6
in conjunction with the preamp and decision circuit of Fig. 26.5.

VDD
3

Vout

}-v,ﬁ Vo- _{

~

Output buffer

Figure P26.6

Can the self-biased comparator be used as a wide-swing op-amp? If so, how
would the op-amp be compensated?

Sketch the schematic of an adaptive voltage follower that can source or sink
current.

Discuss the benefits and problems of using long channel lengths in the
multiplying quad of Fig. 26.30.

Verify, using SPICE and the differential input/output model shown in Fig.
26.29, the operation of the converters shown in Fig. 26.33. Apply sine waves to
the inputs and perform a SPICE transient analysis.

Design and simulate the operation of a level-shifting circuit that will shift input
signals referenced at ground up nominally 1.5 V. Comment on the frequency
response of your design.
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27

Dynamic Analog Circuits

Chapter 14 discussed dynamic digital circuits, which are useful in reducing power
dissipation and the number of MOSFETSs used to perform a given circuit operation.
Dynamic analog circuits exploit the fact that information can be stored on a capacitor or
gate capacitance of a MOSFET for a period of time. In this chapter, we will discuss
analog circuits such as sample and holds, current mirrors, amplifiers, and filters using
dynamic techniques.

27.1 The MOSFET Switch

A fundamental component of any dynamic circuit (analog or digital) is the switch (Fig.
27.1). An important attribute of the switch, in CMOS is that under DC conditions the
gate of the MOSFET does not draw a current. Therefore, neglecting capacitances from
the gate to the drain/source, we find that the gate control signal does not interfere with
information being passed through the switch. Figure 27.2 shows the small-signal
resistance of the switches of Fig. 27.1 plotted against drain-source voltage. The benefits
of using the CMOS transmission gate are seen from this figure, namely, lower overall
resistance. Another benefit of using the CMOS TG is that it can pass a logic high or a

¢ S o
L 4 =
e
- 7 0
Switch

Figure 27.1 MOSFETs used as switches.
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Vds
A

NMOS

N 7
CMOS, TG
t } } > Vps

;
1 2 3 4 5

Figure 27.2 Small-signal on-resistance of MOSFET switches [1].

logic low without a threshold voltage drop. The largest voltage an n-channel switch can

pass is VDD — V.., while the lowest voltage a p-channel switch can pass is V.

While MOS switches may offer substantial benefits, they are not without some
detraction. Two nonideal effects typically associated with these switches may ultimately
limit the use of MOS switches in some applications (particularly sampled-data circuits
such as data converters). These two effects are known as charge injection and clock
feedthrough.

Charge Injection

Charge injection can be understood with the help of Fig. 27.3. When the MOSFET
switch is on and V, is small, the charge under the gate oxide resulting from the
inverted channel is (from Ch. 5) Q',. When the MOSFET turns off, this charge is
injected onto the capacitor and into v,,. Since v,, is assumed to be a low-impedance,
source-driven node, the injected charge has no effect on this node. However, the

charge injected onto C, ,, results in a change in voltage across it.

A
TLC
Charge inm §
Vv in Cload Vload

J -

Figure 27.3 Simple configuration using an NMOS switch to show charge injection.
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Although the charge injection mechanism is itself a complex one, many studies
have sought to characterize and minimize its effects [2-4]. It has been shown, that if the
clock signal turns off fast, the channel charge distributes fairly equally between the
adjacent nodes. Thus, half of the channel charge is distributed onto C, From Ch. 5,
the charge/unit area of an inverted channel can be approximated as

Q1) = Chy (Vas = Vraw) (27.1)

The total charge in the channel must then be multiplied by the area of the channel
resulting in

oad *

01(y) = Cox- W- L+ (Vas — Vraw) (27.2)
Therefore, the change in voltage across C,,, (if an NMOS switch is used) is

Clx- W-L-(Vgs — Vran)
2Cload

AVigad = —

(27.3)

which can be written as
Cli-W-L-(VDD-vy —Vran)
2Cloaa’

if it is assumed that the clock swings between V,, and V. The threshold voltage can
also be substituted into Eq. (27.4) to form

Cly-W-L-(Vpp—vin—[Vrano +'Y(Jl2q)Fl+Vin - Vss — \/!2¢F| D
2C0ad

Note that Eq. 27.5 illustrates the problem associated with charge injection. The change
in voltage across C,,,, is nonlinear with respect to v,, due to the threshold voltage. Thus,
it can be said that if the charge injection is signal dependent, harmonic distortion
results. In sampled-data systems, charge injection will result in nonlinearity errors. In
the case where the charge injection is signal independent, a simple offset occurs which
is much easier to manage than harmonic distortion. These will be discussed in more
detail in Chs. 28 and 29, but it should be obvious here that charge injection effects
should be minimized as much as possible.

AVipad = — (27.4)

AVipaa = (27.5)

Capacitive Feedthrough

Consider the schematic of the NMOS switch shown in Fig. 27.4. Here the capacitances
between the gate/drain and gate/source of the MOSFET are modeled with the
assumption that the MOSFET is operating in the triode region. When the gate clock
signal, ¢, goes high, the clock signal feeds through the gate/drain and gate/source
capacitances. However, as the switch turns on, the input signal, v, , is connected to the
load capacitor through the NMOS switch. The result is that C, , is charged to v,, and
the capacitive feedthrough has no effect on the final value of v, . However, now
consider what happens when the clock signal makes the transition low, that is, the
n-channel MOSFET turns off. A capacitive voltage divider exists between the
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gate-drain (source) capacitance and the load capacitance. As a result, a portion of the
clock signal, ¢, appears across C,,, as

Coverlap : (VDD - VSS )

A = 27.6
Vload Coverlap + Cload ( )

where C,,,,,,, is the overlap capacitance value,
Coverlap = C{;x -W-LD (277)

and LD is the length of the gate that overlaps the drain/source.

1
5 Cox

1
5 2 Cox

i Cload

Figure 27.4 Ilustration of capacitive feedthrough.

s

viﬂ Vouf

Reduction of Charge Injection and Clock Feedthrough

Many methods have been reported that reduce the effects of charge injection and
capacitive feedthrough. One of the most widely used is the dummy switch [4, 5], as
seen in Fig. 27.5. Here, a switch with its drain and source shorted is placed in series
with the desired switch M1. Notice that the clock signal controlling the dummy switch
is the complement of the signal controlling M1, and in addition, should also be slightly
delayed.

When M1 turns off, half the channel charge is injected toward the dummy
switch, thus explaining why the size of M2 is one-half that of M1. Although M2 is
effectively shorted, a channel can still be induced by applying a voltage on the gate.
Therefore, the charge injected by M1 is essentially matched by the charge induced by
M2, and the overall charge injection is canceled. Note what happens when M2 turns

0 o
I
Vin ; ] I Vout
M1 M2 i Claad

Figure 27.5 Dummy switch circuit used to minimize charge injection.
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off. It will inject half of its charge in both directions. However, since the drain and
source are shorted and M1 is on, all the charge from M2 will be injected onto the
low-impedance, voltage-driven source which is also charging C, . Therefore, M2
charge injection will not affect the value of voltage on C,

oad®

Another method used to counteract charge injection and clock feedthrough is to
replace the switch with a CMOS transmission gate (TG). This will result in lower
changes in v, because the complementary signals used will act to cancel each other.
However, this approach requires precise control on the complementary clocks (the
clocks must be switched at exactly the same time) and assumes that the input signal, v, ,

will be small, since the symmetry of the turn-on and turn-off waveforms are dependent
on the input signal.

Fully differential circuit topologies are used to cancel these effects to a first
order, as seen in Fig. 27.6. Since the nonideal charge injection and clock feedthrough
effects appear as a common-mode signal to the amplifier, they will be reduced by the
CMRR of the amplifier. However, the second-order effects resulting from the input
signal amplitude dependence will ultimately limit the dynamic range of operation,
neglecting coupled and inherent noise in the dynamic circuits. This subject will be
discussed in more detail in the next sections.

kT/C Noise

In Ch. 7 we saw that the maximum RMS output noise generated from a simple RC
circuit was yk7T/C (see Ex. 7.7). If we think of the MOSFET in Fig. 27.7 as a resistor
(when the MOSFET is on), then we can add this RMS noise source in series with the
output of the capacitor. The noise can be regarded as a sampled voltage onto the
capacitor each time the switch is turned on. The RMS noise generated when using a 1
pF capacitor is 64 pV, while a 100 fF capacitor results in a noise voltage of 200 pV. In
other words, the larger the capacitor, the smaller the noise voltage sampled on to the
storage capacitor. For high-speed systems, it is desirable to use small capacitors since
they take less time to charge. When designing a high-speed/low-noise circuit tradeoffs
must be made when sel)ecting the capacitor size.

]
TTL ML
; T
gcload —
Vin _—>_ Vout
+
- TIM2

i Cload

Figure 27.6 Use of a fully differential circuit to minimize charge injection
and clock feedthrough.
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o
L JKTICs
. @ Vout

Vin i Cload

Figure 27.7 How kT/C noise adds to a sampled signal.

Sample-and-Hold Circuits

An important application of the switch is in the sample-and-hold circuit. The
sample-and-hold circuit finds extensive use in data converter applications as a sampling
gate. A variety of topologies exist, each with their own benefits. The simplest is shown
in Fig. 27.8. A narrow pulse is applied to the gate of the MOSFET, enabling v, to
charge the hold capacitor, C,;. The width of the strobing gate pulse should allow the
capacitor to fully charge before being removed. The op-amp simply acts as a unity gain
buffer, isolating the hold capacitor from any external load. This circuit suffers from the
clock feedthrough and charge injection problems mentioned in the previous discussion.

Figure 27.9 shows a fully differential sample-and-hold circuit and associated
clock waveforms that eliminate clock feedthrough and charge injection to a first order
[6]. The switches in this figure are closed when their controlling clock signals are high.
The basic operation can be understood by considering the state of the circuit at z,. At
this time, the input signals charge the sampling capacitors. The bottom plates of the
capacitors (poly1) are tied directly to the input signals, for reasons that will be explained
below. The op-amp is operating in a unity-follower configuration in which both inputs
of the op-amp are held at V,, . At this particular instance in time, prior to ¢, , the
amplifier is said to be operating in the sample mode of operation.

Strobe pulse

AW >
L

Vour

-+

Vin
S1

oyt
i Hold capacitor

Figure 27.8 A basic sample-and-hold circuit.
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03

2 01 3
D T >

-

o t t2 t3 02 b1 bs

j

o3 . —

Indicates bottom plate of capacitor (polyl)

Figure 27.9 Sample-and-hold using differential topology [6].

At t, the ¢, switches turn off. The resulting charge injection and clock
feedthrough appear as a common-mode signal on the inputs of the op-amp and are
ideally rejected. Since the top plates of the hold capacitors (the inputs to the op-amp)
are always at V., , at this point in time the charge injection and clock feedthrough are
independent of the input signals. The result is an increase in the dynamic range of the
sample-and-hold (the minimum measurable input signal decreases). The voltage on the
inputs of the op-amp (the top plate of the capacitor) between ¢, and t, is Vpp + Vi, @
constant voltage. Note that the op-amp is operating open loop at this time so that the
time between ¢, and ¢, should be short.

At t, the ¢, switches turn off. At this point in time, the voltages on the bottom
plates of the sampling capacitors are v, and v_ for the + and — inputs of the circuit,
respectively. The voltages on the top plates of the capacitors are V.., + Vopp + Vi,
(assuming the storage capacitors are much larger than the input capacitance of the
op-amp). The term V., is ideally a constant that results from the charge injection and
capacitive feedthrough from the ¢, switches turning off. The time between ¢, and ¢,
should be short compared to variations in the input signals.

At time ¢, the ¢, switches turn on and the op-amp behaves like a voltage
follower, and the circuit is said to be in the hold mode of operation. The charge
injection and clock feedthrough resulting from the ¢, switches turn on cause the top
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plate of the capacitor to become V.. + Voprm + Vo + Vi, again assuming that the
storage capacitors are much larger than the input capacitance of the op-amp. The
outputs of the sample-and-hold are v, and v_, assuming infinite op-amp gain since these
offsets appear as a common-mode voltage on the input of the op-amp. Note that the
terms V,z, and V., are dependent on the input signals.

The reason for connecting the input signals to the bottom plate of the capacitor
can be explained with the help of Fig. 27.10. This figure is a simplified, single-ended
version of Fig. 27.9 where the capacitance, C, , is the parasitic capacitance from the
bottom plate to the substrate. With regard to Fig. 27.10a, coupled noise from the
substrate sees either the input voltage from the op-amp driving the sample-and-hold (in
the sample mode) or the output voltage of the op-amp used in the sample-and-hold itself
(in the hold mode). Since the op-amps in either mode directly set this voltage, the
substrate noise will, ideally, have little effect on the circuit operation. In Fig. 27.10b,
coupled substrate noise feeds directly into the input of the op-amp and can thus
drastically affect the output of the sample-and-hold. Another more subtle problem
occurs in the circuit of Fig. 27.10b. When the circuit makes the transition to the hold
mode at 7,, the output of the op-amp should quickly change to the voltage sampled on
the input capacitors. The time it takes the output of the op-amp to change and settle to
this final voltage is called the settling time. The parasitic capacitance on the input of
the op-amp reduces the feedback factor from unity to C, /(C, + Cp). This slows the
settling time and causes a gain error in the circuit's transfer function. For these reasons,
the parasitic capacitance on the top plate of the capacitor should be small. Nothing
should be laid out over or in near proximity of poly?2.

Another improvement of the basic S/H circuit can be seen in Fig. 27.11 [7, 8].
Here, two amplifiers buffer the input and the output. Notice that switch S, ensures that
amplifier A1 is stable while in hold mode. If the switch were not present, A1 would be
open loop during hold mode and would swing to one of the rails. During the next

Hold mode, switch closed

I e
H Ch
| . L
Vin—4 | + Vm-—-—-—d—l —+
ClJ T YV out ' T Cp L_v‘””

Suiq_strate VSS

noise

(VSS) (2) (Good) (b) (Bad)

Figure 27.10 Explanation for connecting the bottom plate of the capacitor to the input.
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sample mode, it would then be slew limited while going from the supply to the value of
v,. However, with the addition of S,, the output of Al tracks v, even while in hold
mode. The switch S, also disconnects Al from the output during hold mode.

This S/H has its disadvantages, however. The capacitor is still subjected to
charge injection and clock-feedthrough problems. In addition, during sample mode, the
circuit may become unstable since there are now two amplifiers in the single-loop
feedback structure. Although compensation capacitors can be added to stabilize its
performance, the size and placement of the capacitors are purely dependent on the type
and characteristics of the op-amps.

S3

o
S2

-

S1

Vin 0 g Cu

Figure 27.11 A closed-loop S/H circuit.

" Vout

Another S/H circuit is seen in Fig. 27.12 [7,9]. Here, a transconductance
amplifier is used to charge the hold capacitor. A control signal turns the amplifier, A1,
on or off digitally, thus eliminating the need for the switches S, and S, (from Fig.
27.11). Since CMOS op-amps are well suited for high-output impedance applications,
this configuration would seem to be a popular one. However, the speed of this topology
is dictated by the maximum current output of the transconductance amplifier and the
size of the hold capacitor.

“‘—V control
S — Vout
"

Figure 27.12 A closed-loop S/H circuit using a transconductance amplifier.

Transconductance
amplifier
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728 Part IV Mixed-Signal Circuits

An even better S/H circuit can be seen in Fig. 27.13 [7, 8]. The advantage of
this circuit may not be completely obvious and warrants further explanation. First,
notice that the hold capacitor is actually in the feedback path of the amplifier, A2, with
one side connected to the output of the amplifier and the other connected to a virtual
ground. When switch S, turns off, any charge injected onto the hold capacitor will
result in a slight change in the output voltage. However, now that one side of the switch
is at virtual ground, the change in voltage is no longer dependent on the threshold
voltage of the switch itself. Therefore, the charge injection will be independent of the
input signal and will result as a simple offset at the output. An offset error is much
easier to tolerate than a nonlinearity error, as will be seen in Chs. 28 and 29.

When sampling, S, is closed and S, is open, and the equivalent circuit is simply a
low-pass filter with a buffered input. The overall transfer function becomes

You _ Ry 1
Vin R1 (SR,Cu+1) (27.8)

Therefore, this circuit performs a low-pass filter function while sampling. The buffer
Al can be eliminated when we desire a low-input impedance. Once hold mode
commences, the output will stay constant at a value equal to v,,, while the switch S,
isolates the input from the hold capacitor. One important issue to note here is that A2
will need to be a buffered CMOS amplifier because of the resistive load attached at v,
during hold mode. Notice also that during both sample mode and hold mode, there is
only one op-amp in each feedback loop, so this S/H topology is much more stable than
the closed-loop structure introduced in Fig. 27.12.

R>
VW
Ch
s
1
Vin S, A2 * Vout
?4_

Figure 27.13 A closed-loop S/H circuit using a transconductance amplifier.

27.2 Switched-Capacitor Circuits

Consider the circuit shown in Fig. 27.14a [10, 11]. This dynamic circuit, named a
switched-capacitor resistor, is useful in simulating a large value resistor, generally > 1
MQ. The clock signals ¢, and ¢, form two phases of a nonoverlapping clock signal
with frequency f,, and period T (see Ch. 14). Let's begin by considering the case when
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o1 02 Equivalent to

1 L «— ~ R..

|| | V2 Vi NAAA V)
Vi S1 C S2

1
g (2) (b)
A

01 high, S1 closed

‘Dl‘[/—\/\/—‘\ \ " it c ©

| ;
time

02 high, S2 closed

f
'
'

, N ——
¢2T o\ g\ g C @
e 1 > o

! time
T=—
fclk

Figure 27.14 Switched-capacitor resistor (a) and associated waveforms, and
(b, ¢, d) the equivalent circuits.

S1 is closed. When 0, is high, the capacitor C is charged to v,. The charge, g,, stored
on the capacitor during this interval, Fig. 27.14c, is

q1=Cvi (27.9)
while if S2 is closed, the charge stored on the capacitor is -
q2=Cvy (27.10)

If v, and v, are not equal, keeping in mind that S1 and S2 cannot be closed at the same
time due to the nonoverlapping clock signals, then a charge equal to the difference
between g, and g, is transferred between v, and v, during each interval 7. The
difference in the charge is given by

g1—q2=Cv1—v3) (27.11)

If v, and v, vary slowly compared to f,, , then the average current transferred in an
interval T is given by

_Cvi—va) _vi-vs

Lave = 27.12
g T R (27.12)
where the resistance of the switched-capacitor circuit is given by
T 1
Rye=== 27.13
== ( )
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730 Part IV Mixed-Signal Circuits

In general, the signals v, and v, should be bandlimited to a frequency at least ten times
less than £, (more on this later).

Example 27.1

Using switched-capacitor techniques, implement the circuit shown in Fig.
27.15a so that the product of RC is 1 ms, that is, the 3-dB frequency of v, /v, | is
159 Hz.

Vin VA ¢ Vout

1
Vin ] * l I ’ 3 Vout

" T
(b)

Figure 27.15 (a) Circuit used in Ex. 27.1 and (b) its implementation using a SC resistor.

The switched-capacitor implementation of this circuit is shown in Fig. 27.15b.
The product of RC may now be written in terms of Eq. (27.5) as

rRe,=%2. L (27.14)

Cr fo
This result is important! The product RC, is determined by f,, , which may be
an accurate frequency derived from a crystal oscillator and the ratio of C, to C,,
which will be within 1 percent on a chip. This means that even if the values of
the capacitors change by 20 percent from wafer to wafer, the ratio of the
capacitors relative to one another, on the same wafer, will remain constant
within 1 percent.

It is also desirable to keep C, larger than the associated parasitics present in
the circuit (e.g., depletion capacitances of the source/drain implants and the
stray capacitances to substrate). For the present example, we will set C, to 1 pF.
The selection of f,, is usually determined by what is available. For the present
design, a value of 100 kHz will be used. This selection assumes that the energy
present in v, at frequencies above 10 kHz is negligible. The value of C, is
determined solving Eq. (27.14) and is 100 pF. Note that the value of the
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switched-capacitor resistor is 10 M. Implementing this resistor in the CN20
process using n-well would require 4,000 squares! The resulting delay through
the n-well resistor, because of the capacitance to substrate, may cause a
significant phase error in the transfer function as well. &

27.2.1 Switched-Capacitor Integrator

Because the switched-capacitor resistor of Fig. 27.14a is sensitive to parasitic
capacitances, it finds little use in mainly switched-capacitor circuits. Consider the
circuit of Fig. 27.16a. This circuit is a switched-capacitor integrator and is the heart of
the circuits we will be discussing in the remainder of the section [11]. The portion of
the circuit consisting of switches S1 through S4 and C, forms a switched-capacitor
resistor with a value given by

_ 1
Crfon

The equivalent continuous time circuit for the switched-capacitor integrator is shown in
Fig. 27.16b. Notice that v, is now negative. It may be helpful in the following
discussion to remember that the combination of switches and C, of the
switched-capacitor integrator can be thought of as a simple resistor. The transfer
function of the switched-capacitor integrator is given by

RSC

(27.15)

Vour _ 1/j(DCF - 1

Vin = R .
(&)

(27.16)

Cr
d1 o2 H
1 Ci 1
Vi 1 . J| + I =
in S1 ] S3
Vout
¢2—, s2 S4 }"1)1 *
< (a)
Cr
I
-
RSC
= Vin SVAAVA -
Vout
+
AV (b)

Figure 27.16 (a) A stray insensitive switched-capacitor integrator (noninverting)
and (b) the equivalent continuous time circuit.
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732 Part IV Mixed-Signal Circuits

Again, the ratio of capacitors is present, allowing the designer to precisely set the gain
of the amplifier and the integration time constant.

As we mentioned, the switched-capacitor integrator is not sensitive to parasitic
or stray capacitances. This can be understood with the use of Fig. 27.17. First, if we
realize that C,, (the parasitic capacitance from the right side of C, to ground) is always
connected to ground either through S4 or by the virtual ground on the inverting input of
the op-amp, it cannot store a charge (both sides of C,, are connected to ground). The
capacitance C, is charged to v, when S1 is closed and then discharged to ground when
S2 closes. Since none of the charge stored on Cpl when S1 is closed is transferred to C,,
it does not affect the integrating function. A practical minimum for C, is 100 fF in the
CN20 process.

01 02 Virtual ground
L Ci L
TR R

qﬂ Szi % }-8367—+

Figure 27.17 Parasitic capacitances associated with a switched-capacitor resistor.

The inverting integrator configuration is shown in Fig. 27.18. Note the simple
change of clock signals (S1 and S2) from Fig. 27.16 (the noninverting configuration).
The gain of this configuration is given by

You 1 27.17)
vin (e L
]OJ(CI fclk)
An example of a switched-capacitor integrator circuit that combines input

signals is shown in Fig. 27.19a. Remembering that each switched-capacitor section can
be thought of as a resistor, we note that the relationship between the inputs and output is

Vou = Z‘ + ;’2 - 23 (27.18)

ol L2 i &£l ol LEL

](D(Cl fen ) ]w(clfdk ) J(D(C3fclk )

Figure 27.19b shows how redundant switches can be combined to reduce the number of
devices used. Used alone, the basic integrator has the practical problem of integrating
not only the input signal but also the offset voltage of the op-amp. In many
applications, a reset switch or resistor is placed across the feedback capacitor (Fig.
27.19b). An example of a lossy integrator circuit useful in first-order filter design is
shown in Fig. 27.20. The transfer function of this circuit is given by
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oS L
Vour _ &(”_J‘D&EL) Cs 1+]m(c3 f‘“) (27.19)

Vin R; 1+j(DR4C2 Cs . {c 1
1+jo -é'j' e

For low-frequency input signals (low frequencies compared to the pole and zero given
in Eq. (27.19), the gain of the lossy integrator is simply

Vour _ _g_}_

(27.20)

which is again a precise number due to the ratio of the capacitors. Also note that the
switched-capacitor resistor in the feedback loop is stray insensitive. The left side of C,
is always connected to 0 V, while the right side is either connected to ground or to the
output of the op-amp.

i v
2 q)z 1]
CI _J_. ]
—Vout
'—{ S4 ‘—‘ 01 +
7
Cr
fi
1}
Ry ,
Vin 'Wv\ -
Vout
o+
A4

Figure 27.18 A stray insensitive switched-capacitor integrator (inverting).

Example 27.2
Design a switched-capacitor filter with the transfer characteristics shown in Fig.
Ex27.2.

We can see that this transfer function has a pole at 500 Hz and a zero at 5 kHz.
The lossy integrator of Fig. 27.20 will be used to realize this filter. The
low-frequency gain of this circuit is 10 (20 dB). Using Eq. (27.20), we have

while the pole and zero locations are given by
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¢1 ¢2
Vi 1
SIA
02 4 s2A 4 H)x
Cr
]
1l
Va2 " , —
sm S3B Vout
¢2 -{s2B  s4B}-01 n
Avd
V3 y .
s1c s3c
o1 {Tsoc sac - o,
(@)
01
1 C
" S1A H
Iff_set
0 S2A =
I
01 2 I
L C, 1 Cr
Vo TLC I e 1 L =
SIB S3
¢2‘| S2B |—¢1 +
S4
o2 N\
1 Cs
Vi3 Slj
01 S2C
(b)

Figure 27.19 (a) Switched-capacitor implementation of a summing integrator and
(b) practical implementation of the circuit combining switches and

adding reset.
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Vin T, I _1TC -
52 Vout
q)z—l S1 l—¢1 +
\J; (2)
C2
I
C 1
“1 AN
[} R4
—Vin VAVAVA -
R3 Vout
+
< ®)

Figure 27.20 Lossy integrator (a) switched-capacitor implementation and
(b) continuous time circuit.

Vour

Vin dB
A
20 \
500 5 kHz Hz
Figure Ex27.2
_ 1 _ - 1 _
f,,—-—-———————-SOOandfz————-————-SkHZ
Cs  fen Cs  fan

If we set f,, to 100 kHz and C, to 100 fF, then C, = 1.0 pF, C, = 3.2 pF, and C,
=32pF. ®
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We will now develop an exact relationship between the switching frequency, f,,,,
and the signal frequency  [12,13]. Referring to Fig. 27.21, we can write the output of
the integrator as the sum of the previous output voltage, v at a time »T and the
contribution from the current sample as

out(n)?

C
Vout(n+1) = Vour(ny + Z:;I? *Vin(n) (27.21)

Since a delay in the time domain of T corresponds to a phase shift of o7 in the
frequency domain, we can take the Fourier transform of this equation and get
TV 0ui0) = Vo) + € - in(j) (27.22)
F

Solving this equation for v, /v, gives

T _Q(__l____) _ Q(__z&) _ Q[__l_} (27.23)

Cr\eoT —1 ) Cpl\ oo _ p=joll2 Crlz—1
where z = ¢/®T, Remembering fax = 1/T and ® = 27f , we get
nf
bt (o) = ——1 Jok . pinflfen (27.24)

. Cr 1 1 n_f_
Jm('a' ’ fc,—k) Slnfclk
Ideally, the term on the right in parentheses is unity. This occurs when f is much less

than f,,. This equation describes how the magnitude and phase of the integrator are
affected by finite f,,.

Capacitor Layout

An important step in the implementation of any switched-capacitor design is the layout
of the capacitors. Normally, a unit size capacitor is laid out and then replicated to the
desired capacitance. For the previous example, the unit size capacitance would be
nominally 100-fF; see Fig. 27.22 (Fig. 7.10)". Again, the absolute value of the
capacitors isn't important; rather, the important value is the ratio. A total of 32 of these
unit size capacitors would be used to achieve the larger nominally 3.2 pF capacitors in
the previous example (see Fig. 27.23). Using this approach eliminates errors due to
uneven patterning of poly to a first order. A p+ guard ring is placed around the
capacitor to help reduce coupled substrate noise. Substrate noise can also be reduced by
laying the capacitor out over an n-well that is tied to VDD. Injected minority carriers
are collected either by the p+ or the n-well (or a combination of both). If matching of
the capacitors is critical, schemes that use a common-centroid layout can be used. Also,
as was discussed in Ch. 20, dummy poly strips or capacitors can be placed around the
array of capacitors so that the edge differences from underetching poly are eliminated.

' Note that here we are assuming that a circle can be accurately reproduced on the reticle and
patterned on the wafer. In practice, effects such as the finite e-beam size (and the granularity of
the grid) used to make the reticle can make this assumption questionable.
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Cr
¢1 ¢2 H
Vin —
Vout
02 ‘-*%7 E}—‘Pl +
A4
A

o3 I
S o

Nonoverlapping clock signals

Vin | €————— Portion of an input sine wave

at frequency f
Vin(ny
Va + €—— Voltage as labeled above
ov
Vour(nly | - - - 7 - - o oo oo -
' Ay, = - ==L .
. , Vout = Vour(n+1) ~ Vout(n) = Vin(n)
Vout(n- |- - - - ; . A Cr
Vout
> time
N N+1
nT (m+1DT

Figure 27.21 Switched-capacitor integrator used to determine the relationship between
input frequency and switch clock frequency.
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polyl

i
i
i

\ poly2 d

(a) Contact over thin oxide allowed

(b) Contact over thin oxide not allowed

Figure 27.22 Layout of a nominally 100 fF capacitor unit cell.
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Figure 27.23 Layout of a 3.2 pF capacitor using a 100 fF unit cell.
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Implementing Ladder Filters

Consider the ladder low-pass filter shown in Fig. 27.24. The doubly terminated
structure is used to reduce sensitivity to component variations [14]. The resistors R, and
R, will be implemented using switched-capacitor techniques along with the inductor and
capacitors shown in the schematic. With regard to the notation shown in the figure, the
voltage across L, and the current through L, are labeled v, (= v, — v,) and i, ,
respectively. Also, we will define the product of the current through the inductor with a
scaling resistance, R, (normally R = 1 €2) as the inductor scaled voltage. This can be
written for L, as

vh=i3- R (27.25)
For the capacitor C, in Fig. 27.24, we can write

7/
V2 Vs

i2 _ 1 (l —i )= Vs _ _
TR0 T0CR; joCaR: JOCaR,

V260, joC;

(27.26)

which results in a summing integrator, that is, C, is replaced with a switched-capacitor
summing integrator (see Fig. 27.25a). The value of the capacitors in this figure is
determined using

Cmn 1
CRi === — 27.27
S feik ( )
Crn 1
CoRy=—=. — 27.28
T Sk ( )

For the inductor L, we can write

! . Vo V4
“R, 3= - 272
Va=Re 3= TR, JoLa/R, (27.29)

This is again a summing integrator (see Fig. 27.25b). The value of the components in
this figure are determined by solving

Ly _Cm 1

27.30
Ry Cs1 fo ( )
R4 L
VAVAVAS g IYYY ? Vout

3
= 1 e ]
V3, 13
Vs CZT lvz, i2 C4T l‘w’ iq Rs

Figure 27.24 Doubly terminated low-pass ladder filter.
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®1
e Ca
vsf T | -
Filter input b2 —’ Cr
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e Cn 1
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Figure 27.25 (a) Switched-capacitor implementation of R1 and C2 in Fig. 27.24, (b) Switched-
capacitor implementation of L3 in Fig. 27.24, and (c) implementation of C4, RS.
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Notice that we have switched the phase of the clock signals, ¢, and ¢,, in Fig. 27.25b
from Fig. 27.25a (look at the switches directly adjacent to the op-amp). This makes the
output of the circuit in (a) immediately available to the input of (b) without a time delay,
T (= 1/f,,). For the voltage v, (=v,,), we can write

. . V4
_l3—1s - V3 __You _
V4= @Cs  JOCsR, JjoCaRs o (27.31)
where
Cr 1
CyRy=—  — 27.32
¢ Ca far ( )
and
Cr 1
C4Rs = —— — 27.33
YT Ca Seik ( )

The implementation of this section of the ladder filter is shown in Fig. 27.25¢c. Again,
notice that the clock phases have been switched from the previous section of the filter.
The complete filter of Fig. 27.24 is realized by combining the three sections (one section
for each reactive component) shown in Fig. 27.25.

Op-Amp Settling Time

Figure 27.26 shows an op-amp configuration in which the op-amp can source or sink
current to a switched-capacitor and a feedback capacitor. The time it takes to charge
and discharge these capacitors is important since it directly affects the maximum
switched capacitor clocking frequency, f.,. The slew-rate limitations of the op-amp
have been discussed in detail already. Let's now consider the limitations due to op-amp
finite bandwidth. The closed-loop gain of the op-amp is given by

AoL
App = —20L .
=TT A0 B (27.34)

while the open-loop gain of an op-amp is given, with units of A/A, V/V, V/A, or A/V,
by

AoL = ég-l“f(-(]):)- (27.35)
+]]—c;;
1
[}
+
Ga
Vout ?5

Figure 27.26 Charging and discharging a switched capacitor.
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Combining these equations and assuming 1 >> 1/[B - Aor(0)], we get
1

AcL= (27.36)

. f
1+]m

where f, ;A ,,(0) = f,, where f, may have units of Hz, Hz/Q2, or Hz-Q (f,8 is in Hz). The
closed-loop gain reduces to a simple single-pole transfer function. The low-frequency
gain of the circuit is 1/B, while the product of f, and B gives the circuit time constant of
__1
2ntf - B
keeping in mind the unity-gain frequency of the op-amp, f,, is a strong function of the
load capacitance. For a step-input to the op-amp, a common occurrence in

switched-capacitor circuits (Fig. 27.21), the output voltage of the op-amp, again
neglecting slew-rate limitations, is given by

Vout = ouzfinal(1 - e_m) (27.38)

T (27.37)

For the output voltage of the op-amp to settle to less than 1 percent of its final value
requires 5. A "rule-of-thumb" estimate for the settling time is simply 1/( f,-B).

Differential Output Op-Amps

As mentioned previously, fully differential op-amps are a necessity in any modern
mixed-signal CMOS integrated circuit design, including switched-capacitor circuits.
The benefits of fully differential design can be summarized and listed as follows.

1. Input common-mode voltage remains at V.,  This benefit eases the
requirements on the CMR of the diff-amp used in an op-amp. For example, if
Ve 18 2.5 'V, the inputs of the op-amp will remain at 2.5 V. This holds for all
fully differential circuit topologies using the differential output op-amp. An
example of an application where a fully differential op-amp is not used in a fully
differential topology is the single to differential converter shown in Fig. 26.33b.
For this circuit, the inputs to the op-amp will not remain at V,,.

2. A doubling in the output voltage swing. This point can be understood by
considering the case when VDD = -VS§§ = 2.5 V and V,, = 0. For a
single-ended output op-amp, the maximum output voltage is 2.5 V. However,
for the differential-output op-amp when v, is 2.5 V, we have a v,_ of -2.5 V,
giving a total output voltage of v, —v_or 5 V. The result is an increase in the
dynamic range of circuits employing fully differential signal paths.

3. A reduction in harmonic distortion. The even order harmonic distortion terms
are canceled in a fully differential topology when we take the difference in the +
and — output voltages.

4. Substrate and coupled noise rejection. Ideally, since the output signal lines are
laid out close to one another, noise introduced from the substrate or other signal
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lines appears as a common signal on the outputs of the op-amp and is eliminated
when we take the difference between the two signals.

A fully differential op-amp (actually an OTA) topology useful in switched-
capacitor circuits is shown in Fig. 27.27. This configuration is based on the topology
given in [15]. The input diff-amp is the class AB source cross-coupled pair discussed in
Ch. 24 that eliminates slew-rate limitations. Wide-swing current mirrors are employed
to increase output voltage swing and for operation at lower power suppy voltages (e.g.,
3.3 V). Note that one of the major problems of using the source cross-coupled pair,
discussed in Ch. 24, was the small-input common-mode range. However, after
reviewing number 1 above, we see that this is not a concern in a fully differential
topology. Again, the main drawbacks of using the source cross-coupled pair are the
increase in power dissipation (assuming the same biasing currents) and noise (thermal
and 1/f).

Vibiast ll‘j £ c”:T
TH
ml £ [
e
,___i —I,__,_
S s s LT
Ve “ m Y v
e o o o Lo LI
i |
Viiast jl = ﬁ i It} lt
||—-L . |'

Figure 27.27 Fully differential op-amp topology, without slew-rate limitations,
useful in switched-capacitor circuits.

Microchip Ex. 1055, p. 765
Microchip v. Aptiv
IPR2024-00230



744 Part IV Mixed-Signal Circuits

The common-mode-feedback-circuit can be implemented using the continuous
time techniques that were discussed in Ch. 25 or using switched-capacitor techniques
[15] (see Fig. 27.28). The clock signals in this figure are, again, nonoverlapping.
When the ¢, switches are closed, the charge stored on the two C, capacitors is
2C1(Vem = Viiasz), while the charge stored on the C, capacitors is Cz(voJ,-—V'pC‘MFB)
+ Co(vo- — Vihyrs), or simply

202[%"—”-‘- VCMFB} (27.39)

where ngm is the output of the CMFB circuit when the ¢, switches are closed. When
the ¢, switches close, since charge must be conserved, we can write

+ Vo
2C2|:Vo+ ! 4 VcMFB] +2C1(Vepm = Vipiass) = (C1 + Cz)[(v0+ _ V%ZMFB) (Vo — ng;)]

(27.40)

and

Vot +Vo-

2

When the outputs of the op-amp are balanced, V%ZMFB = VQ’ cmre = Vbias3 » and the average
of the outputs, that is, (v, + v_)/2, is equal to the common -mode voltage V,,,. If the
average of the outputs is greater than V,, , then VCMFB becomes greater than V?CMFB,
having the effect of lowering the average output voltages while the opposite is true if the
average of the outputs is less than V. The maximum size of C, is based on how much
loading can be tolerated on the output of the OTA, while the size of C, is determined by
the desired response needed in the CMFB circuit. Generally, C, is around one-tenth of
C,. The minimum size of the capacitors is set by charge injection and kT/C noise
considerations. Note that the switches connected to v,, and v,_ can be TGs, so that the
circuit can operate from VDD to VSS.

T

2
Ci(Vem - + Verrs — Viias3) + C2(V2MFB - V?MFB) =0 (27.41)

Ve

2

L

Vbias3 Vbias3

FW
—
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Figure 27.28 A switched-capacitor CMFB circuit.
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Chapter 27 Dynamic Analog Circuits 745

27.3 Circuits

This section presents several examples of dynamic circuits.
Reducing Offset Voltage of an Op-Amp

The op-amp offset voltage can be modeled by adding a DC voltage in series with the
noninverting input of the op-amp; see Fig. 27.29a [16]. The basic idea behind
eliminating the offset voltage is shown in Fig. 27.29b. A capacitor is charged to a
voltage equal and opposite to the comparator offset voltage. The dynamic analog circuit
shown in Fig. 27.30 is used to help eliminate the effects of the offset voltage. Note that
for this method to be effective the op-amp must be stable in the unity gain
configuration. The clock signals ¢, and ¢, are the nonoverlapping clock signals
discussed in Ch. 14. A nonoverlapping clock keeps switches S1, S2, and S3 from being
on at the same time as switches S4 and S5. Let's consider the case shown in Fig. 27.30b
where ¢, is high and ¢, is low. The op-amp, via the negative feedback, forces its output
to zero volts. Doing so the capacitor is charged, in the polarity shown, to V.. Note that
under these conditions the op-amp is removed from the inputs. When ¢, is high and ¢,
is low, Fig. 27.30c, the op-amp functions normally, assuming the storage capacitance C
is much larger than the input capacitance of the comparator.

Op-amp with offset voltage

V- .
(a) . VOS ) . Vout
N
L \ ‘ Offset free
Actual polarity op-amp
unknown
' %
(b) . os v
_*_;_Ill; I Q out
v+l L
Vos :

Figure 27.29 (a) Offset voltage of an op-amp modeled by a DC voltage source in
series with the noninverting input of the op-amp and (b) using a capacitor
to cancel the offset voltage.
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Figure 27.30 Dynamic reduction of the offset voltage.

Dynamic Comparator

Before we present a dynamic comparator, let's consider the RC switch circuit of Fig.
27.31a. When node A is connected to +5 V, node B is connected to ground. Consider
what happens when the switches change positions, that is, when node A is connected to
ground and the switch at node B is connected to an open. At the moment just after
switching takes place, the potential at node B becomes — 5 V. In other words, the
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Figure 27.31 Circuits used to illustrate switching in dynamic circuits.

voltage across the capacitor does not change instantaneously. If node A is connected
back to + 5 V and node B is connected back to ground a short time compared to the
product of R and C, then the voltage across the capacitor remains +5 V.

A more useful circuit for CMOS is shown in Fig. 27.31b. If the switch across C,
is connected to ground when node A is connected to V1, then V,, when the switches
change positions, is given by

Cy
Cs+Cp

Figure 27.32 shows a dynamic comparator based on the inverter [17]. When ¢,
is high the voltage on the v_input is connected to node A, while the voltage on node B
is set via S3 so that the input and output voltages of the inverter are equal. (The
inverter is operating as a linear amplifier where both M1 and M2 are in the saturation
regions.) When ¢, goes high (¢, is low since the clocks are nonoverlapping), the v,
input is connected to node A. If C, is much larger than the input capacitance of the
inverter (C,), then the voltage change on the input of the inverter (V) is

Ve=(V2-V1)- (27.42)

Vin=Vsy—V_ (27.43)
0P| VDD
1
v T L ca r{ M2
-A % B g Latch Vout
[ L{ M
T
02 Vss 1
S3
T
01

Figure 27.32 A dynamic comparator.
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748 Part IV Mixed-Signal Circuits

Provided the gain of the inverter is large, this change causes the inverter output to rail,
that is, go to either VDD or VSS. The output is then latched and available during ¢,.
The gain of the comparator can be increased by using additional inverter stages.

Another high-performance dynamic comparator configuration is based on the
dynamic latch shown in Fig. 27.33 [18]. This latch is used as the positive feedback
stage of the comparator. The offset-voltage of the comparator is reduced, using either
input offset storage (I0S) or output offset storage (OOS) around the comparator preamp.
Figure 27.34 shows the two types of offset cancellation techniques. In the IOS
configuration, the preamp must be stable in the unity feedback configuration. Also, the
MOSFETs of the preamp must remain in saturation when the offset voltage is stored on
the capacitors. If a differential amplifier is used as the preamp this condition is easily
met.

The size of the storage capacitors is based on three important considerations: (1)
preamp or latch input capacitance, (2) charge injection and (3) kT/C noise. For the IOS
scheme the input storage capacitance must be much larger than the input capacitance of
the preamp, so that the storage capacitors don't attenuate the input signals. For
example, if the storage capacitors have the same capacitance value as the input
capacitance of the preamp, then one-half of the input signals reaches the preamp. For
the OOS scheme the storage capacitors should be much larger than the input
capacitance of the dynamic latch.

Dynamic Current Mirrors

The use of dynamic techniques can significantly reduce the effects of threshold voltage
mismatches in current mirrors. Consider the circuit of Fig. 27.35. When ¢, is high and

VDD
T

Long L :1 t Long L

Vo-

1 ' Ii

Figure 27.33 Dynamic CMOS latch.
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Figure 27.34 (a) Input offset storage (I0S) and (b) Output offset storage (OOS).
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Figure 27.35 Dynamic biasing of a current mirror.
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¢, is low (again, these clock signals are nonoverlapping), switches S1 and S3 are on
while switch S2 is off. A current [ flows through M1, setting its gate-source voltage.
This information [the gate-source voltage (actually the charge) of M1] is stored on C.
When S2 closes with S1 and S3 off a current 1, equal to I,,,, neglecting channel length
modulation, flows. This circuit behaves like a current source when ¢, is high and as an
open when ¢, is low. The circuit shown in Fig. 27.36 shows a dynamic current mirror
that operates continuously. When ¢, is high, M2 sinks current, and when ¢, is high,
M1 sinks current. These circuits are useful in eliminating the mismatch effects, and
thus differences in the output currents, resulting from threshold voltage and
transconductance parameter differences between devices. Since a single-reference
current can be used to program the current in a string of current mirrors, only the finite
output resistance of the mirrors will cause current differences.

Output

T
LSl S2 S5 S6
g1 o o Bl
11 02 1
s3 | 1 s4
L L L J

Figure 27.36 Dynamic current mirror that operates during both clock phases.

I ref

Dynamic Amplifiers

Figure 27.37 shows a dynamic amplifier. The circuit amplifies when ¢ is low and
dynamically biases M1 and M2, and therefore does not amplify, when ¢ is high. If C1
and C2 are large compared to the input capacitance of M1 and M2, then the input AC
signal, v, , is applied to both gates. This biasing scheme makes the amplifier. less
sensitive to threshold and power supply variations. Other dynamic amplifier
configurations exist, which have differential inputs and operate over both clock cycles
[19].
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PROBLEMS

27.1 Using SPICE simulations, show the effects of clock feedthrough on the voltage
across the load capacitor for the switch circuits shown in Fig. P27.1. How does
this voltage change if the capacitor value is increased to 100fF ?

27.2 Assuming the small-signal on resistance of a MOSFET ("on" means the

MOSFET is operating in the triode region) is given by

1

T = B(Ves — Vraw)

plot, by hand, the small-signal on resistances of minimum size, p-channel,
n-channel, and transmission-gate switches. The resulting plot should look
similar to Fig. 27.2.
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HE

27.3 Make a table comparing capacitor size with kT/C noise for capacitor values from

10 {fF to 10 pF.

274 Sketch the single-ended (output) version of the sample-and-hold amplifier
shown in Fig. 27.9 and describe, using timing diagrams, the operation of the

circuit.

27.5 Figure P27.5 shows the implementation of a single-ended to differential
sample-and-hold. Describe the operation of this circuit using timing diagrams

with various input voltages.

03
01
V+_‘¢/2 ” - ¢3
+
Vem | TN
N I
o2 01 o
S — ——
Figure P27.5 5
3

27.6 Show that the switched-capacitor circuits shown in Fig. P27.6 behave like

resistors, for f << f,,, , with the resistor values shown.

27.7 Comment on the selection of the bottom plate of the capacitor shown in Fig.

27.14a.

27.8 Comment on the selection of the bottom plate of the capacitor shown in Fig.

27.16.

Microchip Ex. 1055, p. 775

Microchip v. Aptiv
IPR2024-00230



754

Part IV Mixed-Signal Circuits

q)l (Dz 1
Series ————1"—/ Rse= mlz
.__H._C__
01
5 1
T (Cr+ Ca)far
Series-parallel ]l ‘
Ci i C2
01 b2
L. 1
Bilinear — e e 4Cf.
b2 T 01 e
Figure P27.6
27.9 Sketch the schematic, similar in form to Fig. 27.16, of the fully differential

27.10
27.11

2’(.12

2713

27.14
27.15

switched-capacitor integrator made using a differential input/output op-amp.
What is the transfer function of this topology?

Repeat Ex. 27.2 if the low-frequency gain is 40 dB and the zero is located at 50
kHz.

Using the results given in Eq. (27.24), plot the magnitude of v, /v, against fIf,,,.
Comment on the resulting plot.

An important consideration in SC circuits is the slew-rate requirements of the
op-amps used. In the derivation in Fig. 27.21, we assumed that a voltage source
was connected to the input of the circuit. In reality, the input of the circuit is
provided by an op-amp. When ¢, goes high, in this figure, the capacitor C, is
charged to the input voltage v,, (= v,). If C,is 5 pF and f,, is 100 kHz, estimate
the minimum slew-rate requirements for the op-amp providing v,,.

Suppose the op-amp in Problem 27.12 is used with a feedback factor of 0.5.
Estimate the minimum unity gain frequency, f,, that the op-amp must possess.

Simulate the operation of the dynamic latch shown in Fig. 27.33.

Simulate the operation of the current mirror shown in Fig. 27.36.
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Data Converter Fundamentals

Data converters play an important role in an ever-increasing digital world. As more
products perform calculations in the digital or discrete time domain, more sophisticated
data converters must translate the digital data to and from our inherent analog world.
This chapter introduces concepts of data conversion and sampling which surround this
useful circuit.

28.1 Analog Versus Discrete Time Signals

Analog-to-digital converters, also known as A/Ds or ADCs, convert analog signals to
discrete time or digital signals. Digital-to-analog converters (D/As or DACs) perform
the reverse operation. Figure 28.1 illustrates these two operations. In order to
understand the functionality of these data converters, it would be wise first to compare
the characteristics of analog versus digital signals.

Examine Fig. 28.1. The original analog signal (a) is filtered by an anti-aliasing
filter to remove any high-frequency harmonics that may cause an effect known as
aliasing (see Sec. 28.5).. The signal is sampled and held and then converted into a
digital signal (b). Next the DAC converts the digital signal back into an analog signal

Anti-aliasing Digital code Smoothing
v v v
PR
101 [1 prl
PUT{LPFHS/HH ADClit —DAC E LPH U
(a (b) © (d)

Figure 28.1 Signal characteristics caused by A/D and D/A conversion.
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(c). Note that the output of the DAC is not as "smooth" as the original signal. A
low-pass filter returns the analog signal back to its original form (plus phase shift
introduced from the conversions) after eliminating the higher order harmonics caused
by the conversion. This example illustrates the main differences between analog and
digital signals. Whereas the analog signal in Fig. 28.1a is continuous and infinite
valued, the digital signal in (b) is discrete with respect to time and quantized. The term
continuous-time signal refers to a signal whose response with respect to time is
uninterrupted. Simply stated, the signal has a continuous value for the entire segment
of time for which the signal exists. By referring to the analog signal as infinite valued,
we mean that the signal can possess any value between the parameters of the system.
For example, in Fig. 28.1a, if the peak amplitude of the sine wave was + 5V, then the
analog signal can be any value between —5 and 5 V (such as 2.4758393848 V). Of
course, measuring all the values between -5 and 5 V would require a piece of
laboratory equipment with infinite precision.

The digital signal, on the other hand, is discrete with respect to time. This
means that the signal is defined for only certain or discrete periods of time. A signal
that is quantized can only have certain values (as opposed to an infinitely valued analog
signal) for each discrete period. The signal illustrated in Fig. 28.1b illustrates these
qualities.

28.2 Converting Analog Signals to Digital Signals

We have already established the differences between analog and digital signals. How is
it possible to convert from an analog signal to a digital signal? An example will
illustrate the process.

You live in Moscow, Idaho, where the weather in the winter stays between 0 °F
and 50 °F (Fig. 28.2a). Suppose you had a thermometer that contained only two
readings on it, hot and cold, and that you wanted to record the weather patterns and plot
the results. The two quantization levels can be correlated with the actual temperature as
follows:

If 0°F<T<?25°F Temperature is recorded as cold
If25°F<T<50°F Temperature is recorded as hot

You take a measurement every day at noon and plot the results after one week. From
Fig. 28.2b, it is apparent that your discretized version of the weather is not an accurate
representation of the actual weather.

Now suppose that you find another thermometer that contains four possible
temperatures (hot, warm, cool, and cold) and that you increase the number of readings
to two per day. The result of this reading is seen in Fig. 28.3a. The quantization levels
represent four equal bands of temperature as seen below:

If 0°F<T<125°F Temperature is recorded as cold
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If 125°F<T<25°F Temperature is recorded as cool
If 25°F<T<37.5°F Temperature is recorded as warm

If 375 °F<T< 50 °F Temperature is recorded as hot

A
__50%
fr.
& 40+
]
5 30+
5 201
2.
& 107
O | | | Y
Monday Tuesday | Wednesday| Thursday Friday
(a)
A
3 /\ el i\
T T \ / \\/ |
E W B
3 | t'
Monday Tuesday | Wednesday| Thursday Friday
(b)

Figure 28.2 (a) An analog signal representing the temperature in Moscow, and
(b) a digital representation of the analog signal taking one
sample per day with two quantization levels.

Here, the digital version of the weather still looks nothing like the actual weather
pattern, but the critical issues in digitizing an analog signal should be apparent. The
actual weather pattern is the analog signal. It is continuous with respect to time, and its
value can be between O °F and 50 °F (even 33.9638483920398439 °F!). The accuracy
of the digitized signal is dependent on two things: the number of samples taken and the
resolution, or number of quantization levels, of the converter. In our example, we need
to increase both the number of samples and the resolution of thermometer.

Suppose that finally we obtain a thermometer with 25 temperature readings and
that we now take a reading eight times per day. Each of the 25 quantization levels now
represents a 2 °F band of temperature. From Fig. 28.3b, we can see that the digital
version of the weather is approaching that of the actual analog signal. If we kept
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Figure 28.3 Digital representation of the temperature taking (a) two samples per day with
four quantization levels and (b) nine samples per day with 25
quantization levels.

increasing both sampling time and resolution, the difference between the analog and the
digital signals would become negligible. This brings up another critical issue. How
many samples should one take in order to accurately represent the analog signal?

Suppose a sudden rainstorm swept through Moscow and caused a sharp decrease
in temperature before returning to normal. If that storm had occurred between our
sampling times, our experiment would not have shown the effects of the storm. Our
sampling time was too slow to catch the change in the weather. If we had increased the
number of samples, we would have recognized that something happened which caused
the temperature to drop dramatically during that period.

As it turns out, the Nyquist Criterion defines how fast the sampling rate needs to
be to represent an analog signal accurately. This criterion requires that the sampling
rate be at least two times the highest frequency contained in the analog signal. In our
example, we need to know how quickly the weather can change and then take samples
twice as fast as that value. The Nyquist Criterion can be described as

F. . =2F,. (28.1)

sampling
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where F,, .. is the sampling frequency required to accurately represent the analog
signal and F,,,, is the highest frequency of the sampled signal.

How much resolution should we use to represent the analog signal accurately?
There is no criterion for this specification. Each application will have its own
requirements. In our weather example, if we were only interested in following general
trends, then the 25 quantization levels would more than suffice. However, if we were
interested in keeping an accurate record of the temperature to within £0.5 °F, we would
need to double the resolution to 50 quantization levels so that each quantization level
would correspond to each degree +0.5 °F (Fig. 28.4).

<
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Figure 28.4 Quantization levels overlap actual temperature by = %2 °F.

28.3 Sample-and-Hold (S/H) Characteristics

Sample-and-hold (S/H) circuits are critical in converting analog signals to digital
signals. The behavior of the S/H is analogous to that of a camera. Its main function is
to "take a picture" of the analog signal and hold its value until the ADC can process the
information. It is important to characterize the S/H circuit when performing data
conversion. Ignoring this component can result in serious error, for both speed and
accuracy can be limited by the S/H. Ideally, the S/H circuit should have an output
similar to that shown in Fig. 28.5a. Here, the analog signal is instantly captured and
held until the next sampling period. However, a finite amount of time is required for
the sampling to occur. During the sampling period, the analog signal may continue to
vary; thus, another type of circuit is called a track-and-hold, or T/H. Here, the analog
signal is "tracked" during the time required to sample the signal, as seen in Fig. 28.5b.
It can be seen that S/H circuits operate in both static (hold mode) and dynamic (sample
mode) circumstances. Thus, characterization of the S/H will be discussed in the context
of these two categories. Figure 28.6 presents a summary of the major errors associated
with a S/H [1-5]. A discussion of each error follows.
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Figure 28.5 The output of (a) an ideal S/H circuit and (b) a track-and-hold (T/H).

Sample Mode

Once the sampling command has been issued, the time required for the S/H to track the
analog signal to within a specified tolerance is known as acquisition time. In the
worst-case scenario, the analog signal would vary from zero volts to its maximum value,
Vinmay AADd the worst-case acquisition time would correspond to the time required for
the output to transition from zero to v, ... Since most S/H circuits use amplifiers as
buffers (as seen in Fig. 28.7), it should be obvious that the acquisition will be a function
of the amplifier's own specifications. For example, notice that if the input changes very
quickly, then the output of the T/H could be limited by the amplifier's slew rate. The
amplifier's stability is also extremely critical. If the amplifier is not compensated
correctly, and the phase margin is too small, then a large overshoot will occur which
requires a longer settling time for the S/H to settle within the specified tolerance. The
error tolerance at the output of the S/H is also dependent on the amplifier's offset, gain

v Overshoot and settling time ~ S/H output
within specified
tolerance Droop
and feedthrough
V IN(max)

T I VIN

\ Pedestal exror‘ .

Output slewing .- o
j¢&————Acquisition time ————>¢———— Hold mode —>

Sample command Hold command
issued issued

Figure 28.6 Illustration of typical errors associated wth a S/H.
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Figure 28.7 Track-and-hold circuit using an output buffer.

error (ideally, the S/H should have a gain of 1) and linearity (the gain of the S/H should
not vary over the input voltage range).

Hold Mode

Once the hold command is issued, the S/H faces other errors. Pedestal error occurs as a
result of charge injection (introduced in Sec. 27.1) and clock feedthrough. Part of the
charge built up in the channel of the switch is distributed onto the capacitor, thus
slightly changing its voltage. Also, the clock couples onto the capacitor via overlap
capacitance between the gate and the source or drain. Another error that occurs during
the hold mode is called droop. This error is related to the leakage of current from the
capacitor due to parasitic impedances and to the leakage through the reverse-biased
diode formed by the drain of the switch. This diode leakage can be minimized by
making the drain area as small as can be tolerated. Although the input impedance of
the buffer amplifier is very large, the switch has a finite OFF impedance through which
leakage can occur. Current can also leak through the substrate. The key to minimizing
droop is to increase the value of the sampling capacitor. The tradeoff, however, will be
the increased time required to charge the capacitor to the value of the input signal.

Aperture Error

A transient effect that introduces error occurs between the sample and the hold modes.
A finite amount of time, referred to as aperture time, is required to disconnect the
capacitor from the analog input source. The aperture time actually varies slightly as a
result of noise on the hold control signal and the value of the input signal, since the
switch will not turn off until the gate voltage becomes less than the value of the input
voltage less one threshold voltage drop. This effect is called aperture uncertainty or
aperture jitter. As a result, if a periodic signal was being sampled repeatedly at the
same points, slight variations in the hold value would result, thus creating sampling
error. Figure 28.8 illustrates this effect. Note that the amount of aperture error is
directly related to the frequency of the signal and that the worst-case aperture error
occurs at the zero crossing, where dV/dr is the greatest. This assumes that the S/H
circuit is capable of sampling both positive and negative voltages (bipolar). The amount
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Figure 28.8 Aperture error.

of error that can be tolerated is directly related to the resolution of the conversion.
Aperture error will be discussed again in Sec. 28.5 as it relates to the error in an ADC.

Example 28.1
Find the maximum sampling error for a S/H circuit that is sampling a sinusoidal
input signal that could be described as

viv = A sin 27t

where A is 2 V and f= 100 kHz. Assume that the aperture uncertainty is equal
to 0.5 ns.

The sampling error due to the aperture uncertainty can be thought of as a slew
rate such that

av _d, .
ay _ 4, INft = 2
” th sin 2nft = 27fA cos 2Tft

with maximum slewing occurring when the cosine term is equal to 1. Therefore,
%(max) = 2nfA = (2% - 100 kKHZ)(2 V)

and the maximum sampling error is
Maximum Sampling Error = dV(max) or

(0.5x 10° s)(2r - 100 kHz)(2 V) =0.628 mV ®

28.4 Digital-to-Analog Converter (DAC) Specifications

Probably the most popular digital-to-analog converter application is the digital audio
compact disc player. Here digital information stored on the CD is converted into music
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Figure 28.9 Block diagram of the digital-to-analog converter.

via a high-precision DAC. Many characteristics define a DAC's performance. Each
characteristic will be discussed before we look at the basic architectures in Ch. 29. This
"top-down" approach will allow a smoother transition from the data converter
characteristics to the actual architectures, since most data converters have similar
performance limitations. A discussion of some of the basic definitions associated with
DACs follows. It should be noted that DACs and ADCs can use either voltage or
current as its analog signal. For purposes of describing specifications, it will be
assumed that the analog signal is a voltage.

A block diagram of a DAC can be seen in Fig. 28.9. Here an N-bit digital word
is mapped into a single analog voltage. Typically, the output of the DAC is a voltage
that is some fraction of a reference voltage (or current), such that

Vour = FVier (28.2)

where v, is the analog voltage output, V... is the reference voltage, and F is the
fraction defined by the input word, D, that is N bits wide. The number of input
combinations represented by the input word D is related to the number of bits in the
word by

Number of input combinations = 2" (28.3)

A 4-bit DAC has a total of 2* or 16 total input values. A converter with 4-bit resolution
must be able to map a change in the analog output which is equal to 1 part in 16. The
maximum analog output voltage for any DAC is limited by the value of some reference
voltage, V... If the input is an N-bit word, then the value of the fraction, F, can be
determined by,
D
F= Yl (28.4)

Therefore, if a 3-bit DAC is being used, the input, D, is 100 = 4,,, and V. is 5V, then
the value of F is

=100 _4
F="3=3 (28.5)
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Figure 28.10 Ideal transfer curve for a 3-bit DAC.

and the analog voltage that appears at the output becomes,
vour = %(5) =25V (28.6)

By plotting the input word, D, versus v,,, as D is incremented from 000 to 111, the
transfer curve seen in Fig. 28.10 would be generated. The y-axis has been normalized
to Vi therefore, the graduated marks also represent F by Eq. (28.2). Some important
characteristics need to be discussed here. First, notice that the transfer curve is not
continuous. Since the input is a digital signal, which is inherently discrete, the input
signal can have only eight values that must correspondingly produce eight output
voltages. If a straight line connected each of the output values, the slope of the line
would ideally be one increment/input code value. Also note that the maximum value of
the output is 7/8. Since the case where D = 000 has to result in an analog voltage of 0
V, and a 3-bit DAC has eight possible analog output voltages, then the analog output
will increase from O V to only 7/8 V.

Again, using Eq. (28.2), this means that the maximum analog output that can be
generated by the 3-bit DAC is

VOUT(max) = % - Vrer (28.7)

This maximum analog output voltage that can be generated is known as full-scale
voltage, V,, and can be generalized to any N-bit DAC as

V=2l y (28.8)
=50y Veer .
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The least significant bit (LSB) refers to the rightmost bit in the digital input
word. The LSB defines the smallest possible change in the analog output voltage. The
LSB will always be denoted as D,. One LSB can be defined as

v
1LSB= -Z%V’f’-i (28.9)

In the previous case of the 3-bit DAC, 1 LSB = 5/8 V, or 0.625 V. Generating an
output in multiples of 0.625 V may not seem difficult, but as the number of bits
increases, the voltage value of one LSB decreases.

The most significant bit (MSB) refers to the leftmost bit of the digital word, D.
In the previous example, D = 100 or D,D,D,, with D, being the MSB. Generalizing to
the N-bit DAC, the MSB would be denoted as D,,,. (Since the LSB is denoted as bit 0,
the MSB is denoted as N-1.) Note that when discussing DACs, the MSB causes the
output to change by 1/2 'V,

REF*

When discussing data converters, the term resolution describes the smallest
change in the analog output with respect to the value of the reference voltage, V...
This is slightly different from the definition of LSB in that resolution is typically given

in terms of bits.

Example 28.2
Find the resolution for a DAC if the output voltage is desired to change in 1 mV
increments while using a reference voltage of 5 V.

The DAC must resolve
1—;“\—7‘1 =0.0002 or 0.02% adjustability
Therefore, the accuracy required will be
Elﬁ = 0.0002 (28.10)
and solving N for the resolution yields
N =TLoga( 15;1’\,) = 12.29 bits

which means that a 13-bit DAC will be needed to produce the accuracy capable
of generating 1 mV changes in the output using a 5 V reference. B

Example 28.3

Find the number of input combinations, values for 1 LSB, the percentage
accuracy, and the full-scale voltage generated for a 3-bit, 8-bit, and 16-bit DAC,
assuming that V., =5 V.

Using Egs. (28.3), (28.8), (28.9), and (28.10), we can generate the following
information:
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Resolution  Input combinations 1 LSB % accuracy Ves
3 8 0.625V 12.5 4375V
8 256 19.5 mV 0.391 4985V
16 65,536 76.29 uv 0.00153  4.9999 V

The value of 1 LSB for an 8-bit converter is 18.5 mV, while 1 LSB for a
16-bit converter is 76.3 uV (a factor of 256)! Increasing the resolution by 1 bit
increases the accuracy by a factor of 2. The precision required to map the analog
signal at high resolutions is very difficult to achieve. We will examine some of
these issues as we examine the limitations of the data converter in Ch. 29.

Notice that the value of v, approaches that of V,.. as N increases, but
according to Eq. (28.8), Voypm. Will never equal V... However, at high
resolutions, Vyyr., would probably be close enough to V. to suit any
application. &

Differential Nonlinearity

As seen in the ideal DAC in Fig. 28.10, each adjacent output increment should be
exactly one-eighth. Since the y-axis is normalized, the values for the increment heights
will be unitless. However, the increment heights can be easily converted to volts by
multiplying the height by V... This corresponds to the ideal increment corresponding
t0 0.625 V =1 LSB (assuming V- =5 V).

Nonideal components cause the analog increments to differ from their ideal
values. The difference between the ideal and nonideal values is known as differential
nonlinearity, or DNL and is defined as

DNL, = Actual increment height of transition n — Ideal increment height (28.11)

where n is the number corresponding to the digital input transition. The DNL
specification measures how well a DAC can generate uniform analog LSB multiples at
its output.

Example 28.4
Determine the DNL for the 3-bit nonideal DAC whose transfer curve is shown in
Fig. 28.11. Assume that V.. =5 V.

The actual increment heights are labeled with respect to the ideal increment
height, which is 1 LSB, or 1/8 of :—/‘fi Notice that there is no increment

corresponding to 000, since it is desirable to have zero output voltage with a
digital input code of 000. The increment height corresponding to 001, however,
is equal to the corresponding height of the ideal case seen in Fig. 28.10;
therefore, DNL, = 0. Similarly, DNL, is also zero since the increment associated
with the transition at 010 is equal to the ideal height. Notice that the 011
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Figure 28.11 Example of differential nonlinearity for a 3-bit DAC.

increment, however, is not equal to the ideal curve but is 3/16, or 1.5 times the
ideal height.

DNL, =1.5LSB -1LSB =0.5LSB

Since we have already determined in Eq. (28.9) that for a 3-bit DAC, 1 LSB =
0.625 V, we can convert the DNL, to volts as well. Therefore, DNL, = 0.5 LSB
= 0.3125 V. However, it is popular to refer to DNL in terms of LSBs. The
remainder of the digital output codes can be characterized as follows:

DNL,=05LSB-1LSB=-0.5LSB
DNL,=0.25LSB-1LSB =-0.75LSB
DNL,=1.75LSB-1LSB =0.75 LSB
DNL,=1LSB-1LSB=0

If we were to plot the value of DNL (in LSBs) versus the input digital code,
Fig. 28.12 would result. The DNL for the entire converter used in this
illustration is +0.75 LSB since the overall error of the DAC is defined by its
worst-case DNL. ®&

Generally, a DAC will have less than +%4 LSB of DNL if it is to be N-bit
accurate. A 5-bit DAC with 0.75 LSBs of DNL actually has the resolution of a 4-bit
DAC. If the DNL for a DAC is less than — 1 LSBs, then the DAC is said to be
nonmonotonic, which means that the analog output voltage does not always increase as
the digital input code is incremented. A DAC should always exhibit monotonicity if it
is to function without error.
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. Digital
input code, D
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Figure 28.12 DNL curve for the nonideal 3-bit DAC.

Integral Nonlinearity

Another important static characteristic of DACs is called integral nonlinearity (INL).
Defined as the difference between the data converter output values and a reference
straight line drawn through the first and last output values, INL defines the linearity of
the overall transfer curve and can be described as

INL, = Output value for input code n — Output value of the reference line at that
point

(28.12)

An illustration of this measurement is presented in Fig. 28.13. It is assumed that all
other errors due to offset and gain (these will be discussed shortly) are zero. An
example follows shortly.

Reference line drawn
through the end points . -

. 'IINLM

INL,

\

DAC transfer curve

INL

Figure 28.13 Measuring the INL for a DAC transfer curve.
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It is common practice to assume that a converter with N-bit resolution will have
less than +%2 L.SB of DNL and INL. The term, %2 LSB, is a common term that typically
denotes the maximum error of a data converter (both DACs and ADCs). For example, a
13-bit DAC having greater than %2 LSB of DNL or INL actually has the resolution of a
12-bit DAC. The value of ¥2 LSB in volts is simply

0.5 LSB = Zﬁff (28.13)

Example 28.5
Determine the INL for the nonideal 3-bit DAC shown in Fig. 28.14. Assume
that V. =5 V.

Vout
Vrer
8/8 1
781 Straight-line through
first and last output points |
6/8 + \ K}
5/84 .
, —0.75 LSB
4/8+ 0.5 LSB )
~N\ e .
3/8 4 L~
218+ o
[ ]
184 - 1<05LSB
, - Du .
0 6l

input code, D
000 001 010 011 100 101 110 111

Figure 28.14 Example of integral nonlinearity for a DAC.

First, a reference line is drawn through the first and last output values. The INL
is zero for every code in which the output value lies on the reference line;
therefore, INL, = INL, = INL, = INL, = 0. Only outputs corresponding to 001,
011, and 101 do not lie on the reference. Both the 001 and the 011 transitions
occur ¥2 LSB higher than the straight-line values; therefore, INL, = INL, = 0.5
LSB. By the same reasoning, INL, = — 0.75 LSB. Therefore, the INL for the
DAC is considered to be its worst-case INL of +0.5 LSB and — 0.75 LSB. The
INL plot for the nonideal 3-bit DAC can be seen in Fig. 28.15. ®

It should be noted that other methods are used to determine INL. One method
compares the output values to the ideal reference line, regardless of the positions of the
first and last output values. If the DAC has an offset voltage or gain error, this will be
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Figure 28.15 INL curve for the nonideal 3-bit DAC.

included in the INL determination. Usually, the offset and gain errors are determined
as separate specifications.

Another method, described as the "best-fit" method, attempts to minimize the
INL by constructing the reference line so that it passes as closely as possible to-a
majority of the output values. Although this method does minimize the INL error, it is
a rather subjective method that is not as widely used as drawing the reference line
through the first and last output values.

Offset

The analog output should be 0 V for D = 0. However, an offset exists if the analog
output voltage is not equal to zero. This can be seen as a shift in the transfer curve as
illustrated in Fig. 28.16. This specification is similar to the offset voltage for an
operational amplifier except that it is not referred to the input.

Guain Error

A gain error exists if the slope of the best-fit line through the transfer curve is different
from the slope of the best-fit line for the ideal case. For the DAC illustrated in Fig.
28.17, the gain error becomes

Gain error = Ideal slope — Actual slope (28.14)
Latency

This specification defines the total time from the moment that the input digital word
changes to the time the analog output value has settled to within a specified tolerance.
Latency should not be confused with settling time, since latency includes the delay
required to map the digital word to an analog value plus the settling time. It should be
noted that settling time considerations are just as important for a DAC as they are for a
S/H or an operational amplifier.

Signal-to-Noise Ratio (SNR)

Signal-to-noise (SNR) is defined as the ratio of the signal power to the noise at the
analog output. In amplifier applications, this specification is typically measured using a
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Figure 28.16 Ilustration of offset error for a 3-bit DAC.
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Figure 28.17 Ilustration of gain error for a 3-bit DAC.

Microchip Ex. 1055, p. 793
Microchip v. Aptiv
IPR2024-00230



772 Part IV Mixed-Signal Circuits

sinewave input. For the DAC, a "digital" sinewave is generated through
instrumentation or through an A/D. The SNR can reveal the true resolution of a data
converter as the effective number of bits can be quantified mathematically. A detailed
derivation of the SNR is presented in Sec. 28.6, on the discussion of ADC
specifications.

Dynamic Range

Dynamic range is defined as the ratio of the largest output signal over the smallest
output signal. For both DACs and ADCs, the dynamic range is related to the resolution
of the converter. For example, an N-bit DAC can produce a maximum output of 2"-1
multiples of LSBs and a minimum value of 1 LSB. Therefore, the dynamic range in
decibels is simply

_ 2V -1
DR =20Log SR dB (28.15)

A 16-bit data converter has a dynamic range of 96.33 dB.

28.5 Analog-to-Digital Converter (ADC) Specifications

Many of the specifications that describe the ADC are similar to those that describe the
DAC. However, there are subtle differences. Since the DAC is converting a discrete
signal into an analog representation that is also limited by the resolution of the
converter, a fixed number of inputs and outputs are generated. However, with the ADC,
the input is an analog signal with an infinite number of values, which then has to be
quantized into an N-bit digital word (Fig. 28.18). This process is much more difficult
than the digital-to-analog process. In fact, many ADC architectures use a DAC as a
critical component.

For example, in the previous discussion of DACs, it was determined that for a
16-bit DAC, the converter would need to generate output voltages in multiples of 78
LV. However, for the ADC, the converter needs to resolve differences in the analog

signal of 78 uV. This means that the ADC must be able to detect changes in the input

Vrer MSB

v

— Dpnq

A ~
o]
Analog—t(} ; Dy g 2
vy digital | . z 2
converter D, é’:é
(ADC) D1 35 >
Dy, OY
LSB

Figure 28.18 Block diagram of the digital-to-analog converter.
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signal on the order of 1 part in 65,536! In contrast, the DAC had a finite number of
input combinations (2¥). The ADC, however, has to "quantize" the infinite-valued
analog signal into many segments so that

Number of quantization levels = 2 (28.16)

This distinction is subtle but must be recognized to understand the differences between
the two types of conversion.

Examine Fig. 28.19a. The digital output, D, of an ideal, 3-bit ADC is plotted
versus the analog input, v,. Note the difference in the transfer curve for the ADC
versus the DAC (Fig. 28.10). The y-axis is now the digital output, and the x-axis has
been normalized to V,,,. Since the input signal is a continuous signal and the output is
discrete, the transfer curve of the ADC resembles that of a staircase. Another fact to
observe is that the 2V quantization levels correspond to the digital output codes 0 to 7.
Thus, the maximum output of the ADC will be 111 (2"-1), corresponding to the value

for which ;,X};"—;; 2 -;- Figure 28.19b corresponds to the error caused by the quantization.

Digital
output code, D
A

114 i

110+ Analog input

101+ \ w
(a) 100+ T ’\

011+
Ideal step width
010+
001+
000 > =&
0 1/8 2/8 3/8 4/8 5/8 6/8 7/8 8/8 Vrer
Qe A+
1
2.5
8 VIv
®) ~ VrEF

I S
b

Figure 28.19 (a) Transfer curve for an ideal ADC and (b) its corresponding
quantization error.

The value of 1 LSB for this ADC can be calculated using Eq. (28.9) and is the
ideal step width (1/8) in Fig. 28.19 (versus the height for the DAC) multiplied by V.
Therefore, assuming that Vipz.= 5V,

1LSB=0.625V (28.17)
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Quantization Error

Since the analog input is an infinite valued quantity and the output is a discrete value,
an error will be produced as a result of the quantization. This error, known as
quantization error, Q,, is defined as the difference between the actual analog input and
the value of the output (staircase) given in voltage. It is calculated as

Qe = vIN - V.\‘mircaxz (2818)

where the value of the staircase output, V, can be calculated by

taircase?

Vstaircase = D - "—/2%?5 =D-Visp (28.19)
where D is the value of the digital output code and V, g, is the value of 1 LSB in volts, in
this case 0.625 V. We can also easily convert the value of Q, in units of LSBs. In Fig.
28.19a, O, can be generated by subtracting the value of the staircase from the dashed
line. The result can be seen in Fig. 28.19b. A sawtooth waveform is formed centered
about 2 LSBs. Ideally, the magnitude of O, will be no greater than one LSB and no less
than 0. It would be advantageous if the quantization error were centered about zero so
that the error would be at most £/ LSBs (as opposed to +1LSB). This is easily
achieved as seen in Fig. 28.20a and b. Here, the entire transfer curve is shifted to the
left by Y2 LSB, thus making the codes centered around the LSB increments on the
x-axis. This drawing illustrates that at best, an ideal ADC will have quantization error
of /2 LSB. :

In shifting this curve to the left, notice that the first code transition occurs when
VIN 1

Vo 2 16 Therefore, the range of VVRIZF for the digital output corresponding to 000 is
half as wide as the ideal step width. The last code transition occurs when % 2 %%

(between 6/8 and 7/8). Note that the step width corresponding to this last code
transition is 1.5 times larger than the ideal width and that the quantization error extends
up to 1 LSB when Vvﬁ’; = 1. However, the converter would be considered to be out of

range once —2- > 12 (halfway between 7/8 and 8/8), so the problem is moot.
Vrer — 16

Differential Nonlinearity

Differential nonlinearity for an ADC is similar to that defined for a DAC. However, for
the ADC, DNL is the difference between the actual code width of a nonideal converter
and the ideal case. Figure 28.21 illustrates the transfer curve for a nonideal 3-bit ADC.
The values for the DNL can be solved as follows:

DNL = Actual step width — Ideal step width (28.20)

Since the step widths can be converted to either volts for LSBs, DNL can be defined
using either units. The value of the ideal step is 1/8. Converting to volts, this becomes

Videalstepwidn= 5 - Vrer =0.625 V=1LSB (28.21)
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Figure 28.20 (a) Transfer curve for an ideal 3-bit ADC with (b) quantization error

centered about zero.

Example 28.6

Using Fig. 28.21a, calculate the differential nonlinearity of the 3-bit ADC.
Assume that V,,. =5 V. Draw the quantization error, 0,, in units of LSBs.

The DNL of the converter can be calculated by examining the step width of each
digital output code. Since the ideal step width of the 000 transition is Y2 LSB,
then DNL = 0. Also note that the step widths associated with 001 and 011 are
equal to 1 LSB; therefore, both DNL, and DNL, are zero. = However, the
remaining values code widths are not equal to the ideal value but can be

calculated as

DNL,=15LSB-1LSB=0.5LSB

DNL, =-0.5LSB
DNL, = 0.5LSB

DNL, = 0 LSB (since the ideal step width is 1.5 LSB wide
at this code transition)

DNL,=05LSB-1LSB=-05LSB
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Figure 28.21 (a) Transfer curve for a nonideal 3-bit ADC used in Ex. 28.4 with
(b) quantization error illustrating differential nonlinearity.

The overall DNL for the converter used in this illustration is £0.5 LSB. Note
that the quantization error illustrated in Fig. 28.21b is directly related to the
DNL. As DNL increases in either direction, the quantization error worsens.

Each "tooth" in the quantization error waveform should ideally be the same size.
]

Missing Codes

It is of interest to note the consequences of having a DNL that is equal to —1 LSB.
Figure 28.22 illustrates an ADC for which this is true. The total width of the step
corresponding to 101 is completely missing; thus, the value of DNL, is -1 LSB. Any
ADC possessing a DNL that is equal to —1 LSB is guaranteed to have a missing code.
Notice that the step width corresponding to 010 is 2 LSBs and that the value for DNL,
is 41 LSB. However, there is not a missing code corresponding to 011, since the step
width of code 011 is dependent on the 100 transition. Therefore, an ADC having a
DNL greater than +1 LSB is not guaranteed to have a missing code, though in all
probability a missing code will occur.

Integral Nonlinearity

Integral nonlinearity (INL) is defined similarly to that for a DAC. Again, a "best-fit"
straight line is drawn through the end points of the first and last code transition, with
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Figure 28.22 Transfer curve for a nonideal 3-bit ADC with a missing code.

INL being defined as the difference between the data converter code transition points
and the straight line with all other errors set to zero.

Example 28.7

Determine the INL for the ADC whose transfer curve is illustrated in Fig.
28.23a. Assume that V... =5 V. Draw the quantization error, Q,, in units of
LSBs.

By inspection, it can be seen that all of the transition points occur on the best-fit
line except for the transitions associated with code 011 and 110. Therefore,

INL,=INL,=INL,=INL,=INL;=INL,=0
The INL corresponding to the remaining codes can be calculated as
INL, = 3/8-5/16 =1/16 or 0.5 LSB

Similarly, INL, can be calculated in the same manner and is found to be — 0.5
LSB. - Thus, the overall INL for the converter is the maximum value of INL
corresponding to £0.5 LSB.

The INL can also be determined by inspecting the quantization error in Fig.
28.23b. Here, the INL will be the magnitude of the quantization error which lies
outside the %2 LSB band of Q,. It can be seen that Q, = 1 LSB, corresponding
to the point at which INL = 0.5 LSB for digital output code 011, and that O, =
—1 LSB at the output code corresponding to INL = - 0.5 LSB for digital output
code 110. &
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Figure 28.23 (a) Transfer curve of a nonideal 3-bit ADC and (b) its quantization error
illustrating INL.
Offset and Gain Error

Offset and gain error are identical to the DAC case. Offset error occurs when there is a
difference between the value of the first code transition and the ideal value of %2 LSBs.
As seen in Fig. 28.24a, the offset error is a constant value. Note that the quantization
error becomes ideal after the initial offset voltage is overcome. Gain error or scale
factor error, seen in Fig. 28.24b, is the difference in the slope of a straight line drawn
through the transfer characteristic and the slope of 1 of an ideal ADC. Causes of offset
and gain error are discussed in Ch. 29, but it is important here to understand their
overall effects on ADC transfer curves.

So far, we have examined only the DC characteristics of an ADC. However,
examining the dynamic aspects of the converter will lead to a whole new set of errors.
Sampling is inherently a dynamic process since the accuracy of the sample is dependent
on the speed of the analog signal. Many effects that occur during sampling limit the
overall performance of the converter.

Aliasing

As mentioned earlier in the chapter, the Nyquist Criterion requires that a signal be
sampled at least two times the highest frequency contained in the signal. What would
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Figure 28.24 Transfer curve illustrating (a) offset error and (b) gain error.

happen if this criterion were ignored and the sampling rate was actually less than that
amount? A phenomenon known as aliasing would occur.

Examine Fig. 28.25. Here, an analog signal is being sampled at a rate slower
than the Nyquist Criterion requires. As a result, it appears that a totally different signal
of lower frequency (the dashed line) is being sampled. The lower frequency signal is an
"alias" of the original signal, and its frequency can be calculated as

f;llias =f;1cmal - \fsample

where f, .., is the frequency of the analog signal, f,
Jouias 18 the frequency of the alias signal.

(28.22)

is the sampling frequency, and

ample

Aliasing can be eliminated either by sampling at higher frequencies or by
filtering the analog signal before sampling and removing any frequencies that are
greater than one-half the sampling frequency. It is good practice to filter the analog
signal before sampling to eliminate any unknown higher order harmonics or noise that
could result in aliasing.

A frequency domain analysis may further illustrate the concepts of aliasing.
Figure 28.26 shows the analog signal, the sampling function (represented by a unit
impulse train) and the resulting sampled signal in both the time and frequency domains.
The analog signal in Fig. 28.26a is represented as a simple band-limited signal with
center frequency, f,. This simply means that the signal is contained within the
frequency range shown. In Fig. 28.26b, the sampling function is shown in both the time
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Figure 28.25 Illustration of aliasing caused by undersampling.

and frequency domain. The sampling function simply represents the action of sampling
at discrete points in time. The frequency domain version of the sampling function is
similar to its time domain counterpart, except that the x-axis is now represented as f =
1/T. Since each of the impulses has a value of 1, the resulting sampled signal shown
in Fig. 28.26c is the impulse function multiplied by the amplitude of the analog signal
at each discrete point in time. Remembering that multiplication in the time domain is
equivalent to convolution in the frequency domain, we note that the frequency domain
representation of the sampled signal reveals that the overall signal consists of multiple
versions of the band-limited signal at multiples of the sampling frequency.

Note in Fig. 28.26b that as the sampling time increases, the sampling frequency
decreases and the impulses in the frequency domain become more closely spaced. This
results in 28.26d, which illustrates the aliasing as the multiple versions of the
band-limited signal begin to overlap. One could also filter the signal "post-sampling"
and eliminate the frequencies for which overlap occurs. The point at which the spectra
overlap is called the folding frequency.

As mentioned earlier, the solutions to aliasing are higher sampling frequency
and filtering. Focusing on just one of the solutions may worsen the situation for several
reasons. Some noise signals are wide band, which means that they have a large
bandwidth. Attempting to increase only the sampling frequency to eliminate the
aliasing effects of the noise would be a practical impossibility, not to mention a costly
one. However, simply filtering the input signal and the sampled signal will add delays
to the overall conversion and increase the expense of the circuit. It is best to use a
combination of the two to minimize the problem most efficiently.

Signal-to-Noise Ratio

Signal-to-noise (SNR) ratios of ADCs represent the value of the largest RMS input
signal into the converter over the RMS value of the noise. Typically given in dB, the
expression for SNR is
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SNR = 20Log( ) y (28.23)

Vnoise

If it is assumed that the input signal is a sinewave with a peak-to-peak value equal to
the full-scale reference voltage of the converter, then the RMS value for v,

ingmaxy DECOIMES
Veer 2V (Visp)
Vin(max) = = (2824)
"R 2k
Time domain Frequency domain
F(w)
A1) A db
Analog signal
(@ R / \
[ 7
h(t
H(w)
Sampling function T T T T T ‘
o L, ]
ke t 2+ f
ft)h(t)
Overall signal F(o) * H(w)
© LT by
Frd ,t 26 fs 0 fs 265 f

Aliasing /|X|XlX’X'\
(d) -2fSW2fS f

Aliasing

Figure 28.26 Illustration of aliasing in the time and frequency domain. (a) The analog signal,
(b) the sampling function; (c) the overall signal; and (d) aliasing
in the frequency domain.
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where Vg, is the voltage value of 1 LSB. The value of the noise (if the data converter is
considered to be ideal) will be equivalent to the RMS value of the error signal, Q, (in
volts), shown in Fig. 28.20b. The RMS value of Q, can be calculated to be

O rrss = LLE (28.25)

J12
Therefore, the SNR for the ideal ADC will be the ratio of these two RMS values.
2M(Vy5p)
SNR = 20Log—2% 28.26
- Og Visp ( . )

Ji2

which can be written in terms of N as simply
SNR =20NLog(2) + 20Log4/12 —20Log(24/2)=6.02N+1.76  (28.27)

Equation (28.27) is an important one relating SNR to the resolution of the ADC. For
16-bit data conversion, one must design a circuit that will have a SNR of (6.02)(16) +
1.76 = 98.08 dB! Equation (28.7) can also be used in calculating the signal-to-noise
plus distortion ratio, also known as SNRD. Since the output data is digital, we cannot
use a spectrum analyzer to calculate this ratio, but must instead use a Discrete Fourier
Transform (DFT) and examine the data in the digital domain.

Another useful application of Eq. (28.19) is the determination of effective
number of bits given a system with a known SNR or SNRD. For example, if a 16-bit
ADC yielded an SNRD of 88 dB, then the effective resolution of the converter would be

_ 88—1.76
N= 6.02

and the ADC would be producing the resolution equivalent to that of a 14-bit converter.

= 14.32 bits (28.28)

Aperture Error

The aperture error described in Sec. 28.3 (S/H) should be related to the errors associated
with the ADC. In the previous discussion, the aperture error resulted in sampling error
(Fig. 28.8). However, now that ADC characteristics have been discussed, we can relate
the sampling error to the ADC. Since we know that the maximum errors associated
with an ADC are related to ¥2 LSB, we can assume that the maximum sampling error
associated with the aperture uncertainty can be no larger than %2 LSB.

Example 28.8 ,
Find the maximum resolution of an ADC which can use the S/H described in
Ex. 28.1 while maintaining a sampling error less than 2 LSB.

Since it was determined that the maximum sampling error produced by the
given aperture uncertainty was 0.628 mV, we can relate this value to the highest
resolution of an ADC by assuming that 0.628 mV will be less than or equal %2
LSB. Therefore,
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_Veer _ 5

or

2M1 < 7961.8

which, solving for N (limited to an integer), yields a maximum resolution of 11
bits. B

28.6 Mixed-Signal Layout Issues

Naturally, analog ICs are more sensitive to noise than digital ICs. For any analog
design to be successful, careful attention must be paid to layout issues, particularly in a
digital environment. Sensitive analog nodes must be protected and shielded from any
potential noise sources. Grounding and power supply routing must also be considered
when using digital and analog circuitry on the same substrate. Since a majority of
ADCs use switches controlled by digital signals, separate routing channels must be
provided for each type of signal.

Techniques used to increase the success of mixed-signal designs vary in
complexity and priority. Strategies regarding systemwide minimization of noise should
always be considered foremost. A mixed-signal layout strategy can be modeled as seen
in Fig. 28.27. The lowest issues are foundational and must be considered before each
succeeding step. The successful mixed-signal design will always minimize the effect of
the digital switching on the analog circuits.

Interconnect
considerations Interconnect level

Shielding

Guard rings

Device level

Fully differential design / Matching

Power supply and grounding issues

Floorplanning System level

Figure 28.27 Mixed-signal Iayout strategy.
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Floorplanning

The placement of sensitive analog components can greatly affect a circuit's
performance. Many issues must be considered. In designing a mixed-signal system,
strategies regarding the "floorplan” of the circuitry should be thoroughly analyzed well
before the layout is to begin.

The analog circuitry should be categorized by the sensitivity of the analog
signal to noise. For example, low-level signals or high-impedance nodes typically
associated with input signals are considered to be sensitive nodes. These signals should
be closely guarded and shielded especially from digital output buffers. High-swing
analog circuits such as comparators and output buffer amplifiers should be placed
between the sensitive analog and the digital circuitry.

The digital circuitry should also be categorized by speed and function.
Obviously, since digital output buffers are usually designed to drive capacitive loads at
very high rates, they should be kept farthest from the sensitive analog signals. Next, the
high and lower speed digital should be placed between the insensitive analog and the
output buffers. An example of this type of strategy can be seen in Fig. 28.28 [6]. Notice
that the sensitive analog is as far away as possible from the digital output buffers and
that the least sensitive analog circuitry is next to the least offensive digital circuitry.

Sensitive analog

Medium-swing analog

High-swing analog

Low-speed digital

High-speed digital

Output drivers

Figure 28.28 Example of a mixed-signal floorplan [6].

Power Supply and Grounding Issues

Whenever analog and digital circuit reside together on the same die, danger exists of
injecting noise from the digital system to the sensitive analog circuitry through the
power supply and ground connections. Much of the intercoupling can be minimized by
carefully considering how power and ground are supplied to both the analog and digital
circuits.
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Examine Fig. 28.29a. Here, analog and digital circuitry share the same routing
to a single pad for power and ground. The resistors, R, and R, represent the small,
nonnegligible resistance of the interconnect to the pad. The inductors, L, and L,,,
represent the inductance of the bonding wire which connects the pads to the pin on the
lead frame. Since digital circuitry is typified by high amounts of transient currents due
to switching, a small amount of resistance associated with the interconnect can result in
significant voltage spikes. Low-level analog signals are very sensitive to such
interference, thus resulting in a contaminated analog system. Another significant
voltage spike can occur due to the inductance of the bonding wire. Since the voltage
across the inductor is proportional to the change in current through it, voltage spikes
equating to hundreds of millivolts can result! Both of these voltage effects are true for
both the power and ground connection.

One way to reduce the interference, seen in Fig. 28.29b, is to prohibit the analog
and digital circuit from sharing the same interconnect. The routing for the supply and
ground for both the analog and digital sections are provided separately. Although this

Rp pad Lm Pin

- Analog circuitry

Digital circuitry

(a)
Pin  Lm pag o R, Pad Lm P
Analog circuitry
Rp Ry
Digital circuitry
® L
Pin L2 Pad g R, DPad P Pin
Analog circuitry

. . ]
5 Rp R > v
[:_]—ww Digital circuitry W

Pin Pad ( C) Pad Pin

Figure 28.29 Power and ground connection examples, (a) poor noise immunity and
(b) better noise immunity, and (c) using separate power and ground pins
to achieve even better immunity.

Microchip Ex. 1055, p. 807
Microchip v. Aptiv
IPR2024-00230



786 Part IV Mixed-Signal Circuits

eliminates the parasitic resistance due to the common interconnect, there is still a
common inductance due to the bonding wire which causes interference.

Another method that minimizes interference even more than the previous case is
seen in Fig. 28.29c. By using separate pads and pins, the analog and the digital
circuits are completely decoupled. The current through the analog interconnect is
much less abrupt than the digital; thus, the analog circuitry now has a "quiet" power
and ground. However, this technique is dependent on whether extra pins and pads are
available for this use. The separate power supply and ground pins are then connected
externally. It is not wise to use two separate power supplies because if both types of
circuits are not powered up simultaneously, latch-up could easily result.

In cases presented in Fig. 28.29b and c, the resistance associated with the
analog connection to ground or supply can be reduced by making the power supply and
ground bus as wide as feasible. This reduces the overall resistance of the metal run,
thus decreasing the voltage spikes that occur across the resistor. The inductor itself is
impossible to eliminate, though it can be minimized with careful planning. Since the
length of the bonding wire is dependent on the distance from the pad to the lead frame,
one could reduce the effect of the wire inductance by reserving pins closest to the die
for sensitive connections such as analog supply and ground. This, again, illustrates the
importance of floorplanning.

Fully Differential Design

Fully differential operational amplifiers were presented in Ch. 25, and Fig. 28.30 was
first presented in Sec. 25.3. The noise source represents the noise from digital circuitry
coupled through the parasitic stray capacitors. If equal amounts of noise are injected
into the differential amplifiers, then the common-mode rejection inherent in the
amplifiers will eliminate most or all of the noise. This, of course, is dependent on the
symmetry of the amplifiers, meaning that the matching of the transistors in the
amplifier becomes crucial. Therefore, in a mixed-signal environment, layout techniques
should be used to improve matching. Common-centroid and interdigitated techniques
were discussed in Secs. 20.1.6 and 24.1.4.

Noise source Noise source
/ A

Stray C

Figure 28.30 Differential output op-amps showing parasitic coupling to noise sources.
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Guard Rings

Guard rings, discussed previously in Secs. 7.2.1 and 11.3.1, should be used wisely
throughout a mixed-signal environment. Circuits that process sensitive signals should
be placed in a separate well with guard rings attached to the analog VDD supply. In the
case of the CN20 process, the n-type devices outside the well should have guard rings
attached to analog VSS placed around them as well. Digital circuits should be placed in
their own well with guard rings attached to digital VDD. Guard rings placed around the
n-channel digital devices will also help minimize the amount of noise transmitted from
the digital devices.

Shielding

A number of techniques exist which can shield sensitive, low-level analog signals from
noise resulting from digital switching. A shield can take the form of a layer tied to
analog ground placed between two other layers, or it can be a barrier between two
signals running in-parallel.

If at all possible, one should avoid crossing sensitive analog signals, such as
low-level analog input signals, with any digital signals. The parasitic capacitance
coupling the two signal lines can be as much as a couple of fF, depending on the
process. If it cannot be avoided, then attempt to carry the digital signal using the top
layer of metal (such as metal2). If the analog signal is an input signal, then it will most
likely be carried by the poly layer. A strip of metall can be placed between the two
layers and connected to analog ground (see Fig. 28.31).

<——  Metall shield
(tied to analog ground)

Top view /////////////////// <— Digital signal

-
\ <—— Analog signal

l Metal2 l

Cross SCCtiOl’l 7 2 i
Metall Insulator
Poly1 Insulator
IS\

Figure 28.31 Shielding a sensitive analog signal from a digital signal crossover
using a metal 1 shield layer.
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Another situation that should be avoided is running interconnect containing
sensitive analog signals parallel and adjacent to any interconnect carrying digital
signals. Coupling occurs due to the parasitic capacitance between the lines. If this
situation cannot be avoided, then an additional line connected to analog ground should
be placed between the two signals, as seen in Fig. 28.32. This method can also be used
to partition the analog and digital sections of the chip.

In addition, the n-well can be used as a bottom-plate shield to protect analog
signals from substrate noise. Poly resistors (or capacitors) used for sensitive analog
signals can be shielded by placing an n-well beneath the components and connecting the
well to analog VDD.

il
To analog circuitry

To digital circuitry

To analog ground

Figure 28.32 Use of a dummy metal strip to provide shielding to two parallel signals.

Other Interconnect Considerations

Finally, some other layout strategies will incrementally improve the performance of the
analog circuitry. However, if the previous strategies are not followed, these suggestions
will be useless. When routing the analog circuitry, minimize the lengths of current
carrying paths. This will simply reduce the amount of voltage drop across the path due
to the metall or metal2 resistance. Contacts should also be used very liberally
whenever changing layers. Not only does this minimize resistance in the path, but it
also improves fabrication reliablity. Avoid using poly to route current carrying signal
paths. Not only is the poly higher in resistance value, but also the additional contact
resistance required to change layers will not be insignificant. If the poly is made wider
to lower the resistance, additional parasitic capacitance will be added to the node. Use
poly to route only high-impedance gate nodes that carry virtually no current.
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PROBLEMS

28.1 Determine the number of quantization levels needed if one wanted to make a
digital thermometer that was capable of measuring temperatures to within 0.1 °C
accuracy over a range from — 50 °C to 150 °C. What resolution of ADC would
be required?

28.2 Using the same thermometer as above, what sampling rate, in samples per
second, would be required if the temperature displayed a frequency of
15°-5in(0.01-2xt)?

28.3 Determine the maximum droop allowed in a S/H used in a 16-bit ADC assuming
that all other aspects of both the S/H and ADC are ideal. Assume V, =5 V.

28.4 A S/H circuit settles to within 1 percent of its final value at 5 us. What is the

maximum resolution and speed with which an ADC can use this data assuming
that the ADC is ideal?

28.5 A digitally programmable signal generator uses a 14-bit DAC with a 10 volt
reference to generate a DC output voltage. What is the smallest incremental
change at the output that can occur? What is the DAC's full-scale value? its
accuracy?

28.6 Determine the maximum DNL (in LSBs) for a 3-bit DAC which has the
following characteristics. Does the DAC have 3-bit accuracy? If not, what is the
resolution of the DAC having this characteristic?

Digital Input Voltage Output
000 ov
001 0.625V
010 1.5625V
011 20V
100 25V
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101 3125V
110 34375V
111 4375V

28.7 Repeat Problem 28.6 calculating the INL (in LSBs).

28.8 A DAC has a reference voltage of 1,000 V and has its maximum INL measured
to be 2.5 mV. What is the maximum resolution of the converter assuming that
all the other characteristics of the converter are ideal?

28.9 Determine the INL and DNL for a DAC that has a transfer curve shown in Fig.
P28.9.

Vour
VR&EF A

T

8/8

7/84
6/8 - - - oo e ¢ II)13LSB

5/8

48+
S " M2 LSB
318 CIe oo }1/2 LSB

2/8
/81

0 f—t——t——t————t—f—> Digital
000 001 010 011 100 101 110 111  input code, D

Figure P28.9

28.10 A DAC has a full-scale voltage of 4.97 V using a 5 V reference, and its
minimum output voltage is limited by the value of one LSB. Determine the
resolution and dynamic range of the converter.

28.11 Prove that the RMS value of the quantization noise shown in Fig. 28.20b is as
stated in Eq. (28.26).

28.12 An ADC has a stated SNR of 94 dB. Determine the effective number of bits of
resolution of the converter.

28.13 Discuss the methods used to prevent aliasing and the advantages and
disadvantages of each.
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Chapter

29

Data Converter Architectures

Applications such as wireless communications and digital audio and video have created
the need for cost-effective data converters that will achieve higher speed and resolution.
The needs required by digital signal processors continually challenge analog designers
to improve and develop new ADC and DAC architectures. There are many different
types of architectures, each with unique characteristics and different limitations. This
chapter presents a basic overview of the more popular data converter architectures and
discusses the advantages and disadvantages of each along with their limitations.'

Now that we have defined the operating characteristics of ADCs, a more detailed
examination of the basic architectures will be discussed using a top-down approach.
Since many of the converters use op-amps, comparators, and resistor and capacitor
arrays, the top-down approach will allow a broader discussion of the key component
limitations in later sections.

29.1 DAC Architectures

A wide variety of DAC architectures exist, ranging from very simple to complex. Each,
of course, has its own merits. Some use voltage division, whereas others employ current
steering and even charge scaling to map the digital value into an analog quantity.

29.1.1 Digital Input Code

- In many cases, the digital signal is not provided in binary code but is any one of a
number of codes: binary, BCD, thermometer code, Gray code, sign-magnitude, two's
complement, offset binary, and so on. (See Fig. 29.1 for a comparison of some of the
more commonly used digital input codes.) For example, it may be desirable to allow
only one bit to change value when changing from one code to the next. If that is the
case, a Gray code will suffice. The thermometer code is used quite frequently and can

! Much of the material in this chapter is based on course notes provided by Dr. Terry Sculley, of Crystal
Semiconductor Corporation, Austin, Texas.
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Decimal Binary Thermometer Gray Two's Complement
0 000 0000000 000 000
1 001 0000001 001 111
2 010 0000011 011 110
3 011 0000111 010 101
4 100 0001111 110 100
5 101 0011111 111 011
6 110 0111111 101 010
7 111 1111111 100 001

Figure 29.1 Comparison of digital input codes.

also be seen in Fig. 29.1. Notice that it requires 2" — 1 bits to represent an N-bit word.
The code used is purely dependent on the application, and the reader should be aware
that many types of codes are available. ‘

29.1.2 Resistor String

The most basic DAC is seen in Fig. 29.2a. Comprised of a simple resistor string of 2~
identical resistors and switches, the analog output is simply the voltage division of the
resistors at the selected tap. Note that a N:2" decoder will be required to provide the 2¥
signals controlling the switches. This architecture typically results in good accuracy,
provided that no output current is required and that the values of the resistors are within
the specified error tolerance of the converter. One big advantage of a resistor string is
that the output will always be guaranteed to be monotonic.

One problem with this converter is that the converter output is always connected
to 2" — 1 switches that are off and one switch that is on. For larger resolutions, a large
parasitic capacitance appears at the output node, resulting in slower conversion speeds.
A better alternative for the resistor string DAC is seen in Fig. 29.2b. Here, a binary
switch array ensures that the output is connected to at most N switches that are on and N
switches that are off, thus increasing the conversion speed. The input to this switch
array is a binary word since the decoding is inherent in the binary tree arrangement of
the switches.

Another problem with the resistor string DAC is the balance between area and
power dissipation. An integrated version of this converter will lead to a large chip area
for higher bit resolutions because of the large number of passive components needed.
Active resistors such as the N-well resistor can be used for low-resolution applications.
However, as the resolution increases, the relative accuracy of the resistors becomes an
important factor. Although the value of R could always be made small to minimize the
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Figure 29.2 (a) A simple resistor string DAC and (b) use of a binary switch array
to lower the output capacitance.

chip area required, power dissipation would then become the critical issue as current
flows through the resistor string at all times.

Example 29.1

Design a 3-bit resistor string ladder using a binary switch array. Assume that
Veer= 5 V and that the maximum power dissipation of the converter is to be 5
mW (not including the power required by the digital logic). Determine the value
of the analog voltage for each of the possible digital input codes.

The power dissipation will determine the current flowing through the resistor
string by

_5x103%wW
I = SV =1 mA
Since a 3-bit converter will have eight resistors, the value of R is
-1 5V _
"8 1mA 625 0

The converter can be seen in Fig. 29.3. Examine the switch array if the input
code is D,D\D, = 100 or 4,,. Since D, is high, the top switch will be closed and
the lower switch, D, will be open. In the row corresponding to D,, since D, =0,
both of the switches marked D; will be closed and the other two will be open.
The LSB controls the largest number of switches; therefore, since D, is low, all
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5V
625 Q

625 Q

625 Q

625 Q

625 Q

625 Q

625 Q

625 Q

Figure 29.3 A 3-bit resistor string DAC used in Ex. 29.1

LSB

MSB

D,

b V OUT

the Dy switches will be closed and all the D, switches will be open. There
should be only one path connecting a single tap on the resistor string to the
output. This is bolded, with the resistor string tapped in the middle of the string.
Therefore, vy, = Y2 Vier = 2.5 V. The remaining outputs can be seen in Fig.

294 &

D,D.D,
000
001
010
011
100
101
110
111

our

0.625
1.25
1.875
25
3.125
375
4375

Figure 29.4 Output voltages generated from the 3-bit DAC in Ex. 29.1.
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Mismatch Errors Related to the Resistor String DAC

The accuracy of the resistor string is obviously related to matching between the
resistors, which ultimately determines the INL and DNL for the entire DAC. Suppose
that the i-th resistor, R,, has a mismatch error associated with it so that

Ri=R+ AR; (29.1)

where R is the ideal value of the resistor and AR, is the mismatch error. Also suppose

that the mismatches were symmetrical about the string so that the sum of all the
mismatch terms were zero, or

N
‘21 AR;=0 (29.2)
j=

The value of the voltage at the tap associated with the i-th resistor should ideally be

Vistoa = I, for i=0,1,2,....,2" -1 (20.3)

However, including the mismatch, the actual value of the i-th voltage will be the sum of
all the resistances up to and including resistor £, divided by the sum of all the resistances
in the string. This can be represented by

3 Re Y R+ARy

Vi=Vger- ];,1 = VR¢er - HW—- (29.4)
2 Ry
k=1

The denominator does not include any mismatch error since it was assumed that the
mismatches sum to zero as defined in Eq. (29.2). Notice that there is no resistor, R,
corresponding to V, (see Fig. 29.2), and it is assumed that V, is ground. Equation (29.4)
can be rewritten as

VRer| oy s ()Vrer | Veer <
Vi= =" ()R+2 AR} | =~ ——+—"— 2. AR 29.5
2NR[() z "} g & AR (29-5)
or finally, the value of the voltage at the i-th tap is
Vrer < ARk
Vi = Viideal +—£,7“k§1 e (29.6)

Equation (29.6) is not of much importance by itself, but it can be used to help determine
the nonlinearity errors.

Integral Nonlinearity of the Resistor String DAC

Integral nonlinearity (INL) is defined as the difference between the actual and ideal
switching points, or

INL=V;~Viideal (29.7)
and plugging in Egs. (29.6) and (29.3) into (29.7) yields,
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Vrer < ARy
INL=—52.% =% (29.8)
2¥ o R
Equation (29.8) is a general expression for the INL for a given resistor, R, and requires
that the mismatch of all the resistances used in the summation are known. However,
this equation does not illuminate how to determine the worst-case or maximum INL for
a resistor string.

Intuitively, one would think that the worst-case INL would occur at the top of
the resistor string (i=2") with all the AR,'s at their maximum values. However, the
previous derivation was performed with the assumption that the mismatches summed to
zero. With this restriction, the maximum INL will occur at the' midpoint of the string
corresponding to i = 2%, corresponding to the case where the MSB was a one and all
other bits were zero. Another condition that will ensure a worst-case scenario will be to
consider the lower half resistors at their maximum positive mismatch value and upper
half resistors at their maximum negative mismatch value, or vice versa.

If the resistors on a string were known to have 2 percent matching, then AR,
would be constrained to the bounds of

—0.02R < AR, <0.02R (29.9)

and the worst-case INL (again, assuming 2 percent matching) using Eq. (29.8) would
be,

% ARx _ Veer 21 0.02R

R = oW 2 =0.01" Vger (29.10)
k=1

Vv
VL] o = =5
Note that Eq. (29.10) has units of volts, which can easily be converted to LSBs. We can
use Eq. (29.10) to determine the effective resolution of a DAC using a resistor string, as
will be seen in the next example.

Because the worst-case analysis was performed, the maximum INL occurs at the
middle of the string. We can improve this specification on paper by using the "best-fit"
approach to measuring INL. In this case, the reference line is simply shifted up slightly
(refer to Ch. 28) so that it no longer passes through the end points, but instead
minimizes the INL.

Example 29.2

Determine the effective number of bits for a resistor string DAC, which is
assumed to be limited by the INL. The resistors are passive poly resistors with a
known relative matching of 1 percent and V. =5 V.

Using Eq. (29.10), the maximum INL will be
|INL|,,,, =0.005 - Vrgr=0.025 V

Since we know that this maximum INL should be equal to %2 LSB in the worst
case,

Microchip Ex. 1055, p. 818
Microchip v. Aptiv

IPR2024-00230



Chapter 29 Data Converter Architectures 797

5

2N+1

lyep-
5 LSB =

=0.025V
and solving for N yields

N= 1og2(a(%§) —1=6.64 bits

This means that the resolution for a DAC containing a resistor string matched
to within 1 percent will be, at most 6 bits. &

Differential Nonlinearity of the Worst-Case Resistor String DAC

Resistor string matching is not as critical when determining the DNL. Remembering
that the definition of DNL is simply the actual height of the stair-step in the DAC
transfer curve minus the ideal step height, we can write this in terms of the voltages at
the taps of adjacent resistors on the string. Using Eq. (29.5), we can express this as,

@ VREF VREF < ARk} [(i - 1)VREF VREF § ARkJ
Vi—-Vil=
' 1 ! [ 2N 2N k;l R 2N 2N k§ R
which can be simplified to
1% AR;
IV,'—VH'= —fﬁi(l-*.—ﬁ—) (29.11)

The DNL can then be determined by subtracting the ideal step height from Eq. (29.11),
VREF(l +ARi)_ Virer | _ | Vrer ARiI
2N R 2N 2V R
and the maximum DNL will occur at the value of i for which AR is at its maximum

value. If it is assumed once again that the resistors are matched to within 2 percent, the
worst-case DNL will be

DNL; =

(29.12)

DNL s = ‘o.oz R\ =002 L5B (29.13)

which is well below the Y2 LSB limit. The INL is obviously the limiting factor in
determining the resolution of a resistor string DAC since its maximum value is 2" times
larger than the DNL.

29.1.3 R-2R Ladder Networks

Another DAC architecture that incorporates fewer resistors is called the R-2R ladder
network [1]. This configuration consists of a network of resistors alternating in value of
R and 2R. Figure 29.5 illustrates an N-bit R-2R ladder. Starting at the right end of the
network, notice that the resistance looking to the right of any node to ground is 2R. The
digital input determines whether each resistor is switched to ground (noninverting
input) or to the inverting input of the op-amp. Each node voltage is related to V., by a
binary-weighted relationship caused by the voltage division of the ladder network. The
total current flowing from V. is constant, since the potential at the bottom of each
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VREF

Vour

DN—I DN—-2 DN—3 D2 D] DO
MSB LSB
Figure 29.5 An R-2Rdigital-to-analog converter.

switched resistor is always zero volts (either ground or virtual ground). Therefore, the
node voltages will remain constant for any value of the digital input.

The output voltage, v
resistor, R, such that

our» 18 dependent on currents flowing through the feedback

vour =—itor* RF (29.14)
where i, is the sum of the currents selected by the digital input by
i —_-IED,C.ZBEF_...L A (29.15)
70T P V£ 3R .

where D, is the k-th bit of the input word with a value that is eithera 1 or a 0.

This architecture, like the resistor string architecture, requires matching to
within the resolution of the converter. Therefore, the switch resistance must be
negligible, or a small voltage drop will occur across each switch, resulting in an error.
One way to eliminate this problem is to add dummy switches. Assume that the
resistance of each switch connected to the 2R resistors is AR, as seen in Fig. 29.6.
Dummy switches with one-half the resistance of the real switches are "hard-wired" so
that they are always on and placed in series with each of the horizontal resistors. The
total resistance of any horizontal branch, R’, is

R’=R+-42K (29.16)
The resistance of any vertical branch is 2R + AR, which is twice the value of the
horizontal branch. Therefore, a R’ —2R’relationship is maintained. Of course, a
dummy switch equal to the switch size of a 2R switch will have to be placed in series

with the terminating resistor as well.

Example 29.3
Design a 3-bit DAC using a R-2R architecture with R = 1 kQ, R, = 2 kQ, and

Veier = 5 V. Assume that the resistances of the switches are negligible.
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Dummy switch
AR (Always on)
2 v

2R 2R
LA L
Figure 29.6 Use of dummy switches to offset switch resistance.

Determine the value of i, for each digital input and the corresponding output
voltage, v p.

Figure 29.7 shows the 3-bit DAC for a digital input of 001. The voltages at each
node in the resistor network are labeled. For each switch, if the digital input bit
is a 0, then the resistor is attached to the ground. If the bit is a 1, then the
resistor is attached to the virtual ground of the inverting input and current flows
to the output of the op-amp. Therefore, for D,D D, = 000, all the switches are
connected to ground and no current flows through the feedback resistor and the
output voltage, v, is zero.

25V 125V 0.625V
Vi Vi Vi

Vour

Figure 29.7 A 3-bit R-2Rdigital-to-analog converter used in Ex. 29.3.

When D,D,D, = 001, the rightmost resistor is switched to the op-amp
inverting input and the other two resistors remain attached to ground.
Therefore, the total current flowing through the feedback resistor will simply be
the current through the rightmost resistor, which is defined by Eq. (29.15) as
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Yeer . 1 _ 3126 mA

8 2000
and the output voltage, by Eq. (29.14) becomes,

vour =—(0.3126 mA)(2000 Q) = —0.625 V

which is to be expected. The other values for the output voltage can be
calculated using Eqgs. (29.14) and (29.15) and are seen in Fig. 29.8. &

D,D.D, i (MA) Vour (V)
000 0 0
001 03125 ~0.625
010 0.625 ~1.25
011 0.625 + 03125 = 0.9375 ~1.875
100 1.25 ~25
101 1.25 +0.3125 = 1.5625 ~3.125
110 1.25 +0.625 = 1.875 -3.75
111 1.25+0.625 +0.3125=2.1875  —4.375

Figure 29.8 Output voltages generated from the 3-bit DAC in Example 29.3.

29.1.4 Current Steering

In the previous section, a voltage was converted into a current, which then generated a
voltage at the output. Another DAC method uses current throughout the conversion.
Known as current steering, this type of DAC requires precision current sources that are
summed in various fashions.

Figure 29.9 illustrates a generic current steering DAC.  This configuration
requires a set of current sources, each having a unit value of current, /. Since there are
no current sources generating i, when all the digital inputs are zero, the MSB, Dav_3,
is offset by two bits instead of one. For example, for a 3-bit converter, seven current
sources will be needed, labeled from D, to D,. The binary signal controls whether or
not the current sources are connected to either i,,, or some other summing node (in this
case ground). The output current, i,,,, has the range of

O0<iour<(@N-1)-1 (29.17)

and can be any integer multiple of / in between. An interesting issue to note is the
format of the digital code required to drive the switches. Since there are 2V — 1 current
sources, the digital input will be in the form of a thermometer code. This code will be
all 1's from the LSB up to the value of the &-th bit, D,, and all O's above it. The point at
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D2N_2 D2N_3 D2N_.4

Lour

Figure 29.9 A generic current steering DAC.

which the input code changes from all 1's to all O's "floats" up or down and resembles
the action of a thermometer, hence the name. Typically, a thermometer encoder is used
to convert binary input data into a thermometer code.

Another current steering architecture is seen in Fig. 29.10. This architecture
uses binary-weighted current sources, thus requiring only N current sources of various
sizes versus 2" — 1 sources in the previous example. Since the current sources are binary
weighted, the input code can be a simple binary number with no thermometer encoder
needed.

One advantage of the current steering DACs is the high-current drive inherent
in the system. Since no output buffers are necessary to drive resistive loads, these DACs
typically are used in high-speed applications. Traditionally, high-speed current steering
DACs have been fabricated using bipolar technology. However, the ability to generate
matched current mirrors makes CMOS an enticing alternative. Of course, the precision
needed to generate high resolutions is dependent on how well the current sources can be
matched or the degree to which they can be made binary weighted. For example, if a
13-bit DAC was designed using these architectures, there would have to be 8,191
current sources resident on the chip - not an insignificant amount. For the

DN—-I DN_g Dz Dl D_()

~

I I ] Lour

41 21 I

—T

2N—11

Figure 29.10 A current steering DAC using binary-weighted current sources.
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binary-weighted sources, only 13 current sources would be needed. Yet the size of the
largest current source would have to be 4096 or 2™ times larger than the smallest. Even
if the unit current, I, was chosen to be 5 LA, the largest current source would be 20.48
mA!

Another problem associated with this architecture is the error due to the
switching. Since the current sources are in parallel, if one of the current sources is
switched off and another is switched on, a "glitch" could occur in the output if the
timing was such that both of them were on or both were off for an instant. While this
may not seem significant, if the converter is switching from 0111111 to 10000000, the
output will spike toward ground and then back to the correct value if all the switches
turn off for an instant. If the DAC is driving a resistive load and the output current is
converted to a voltage, a substantial voltage spike will occur at the output.

Example 29.4

Construct a table showing the thermometer code necessary to generate the output
shown in Fig. 29.11a for a 3-bit current steering DAC using unit current
sources.

The thermometer code can be seen in Fig. 29.11b. When the code is all zeros,
the output is zero volts. Therefore, only 7 bits are needed to represent the 2" or 8
states of a 3-bit DAC. Note how the interface between all 1's and all O's actually
resembles the output signal itself. &

(@)

(®)

Figure 29.11 (a) Output of a 3-bit current steering DAC and (b) the thermometer code input.
Mismatch Errors Related to Current Steering DACs

Analysis of the mismatch associated with the current sources is similar to the resistor
string analysis. It is assumed that each current source in Fig. 29.9 is

Ir=1+Al for k=1,2,3,...,28 -1 (29.18)
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where [ is the ideal value of the current and Al, is the error due to mismatch. If it is
again assumed that the Al, terms sum to zero and that one-half of the current sources
contain the maximum positive mismatch, Al , and the other half contains the
maximum negative mismatch, — AI , (or vice versa), then the worst-case condition
will occur at midscale with the actual output current being

N1

Tow =2, ([+AL)=2N1 1421 |AL o = Loutidear + 2771 - |AI,,. (29.19)
k=1
Since the INL is simply the actual output current minus the ideal, the worst-case INL
will be

'INL‘max = 2N_1 ' lAI‘max,INL (2920)

The term, |All,,, . Tepresents the maximum current source mismatch error that will
keep the INL less than ¥2 LSB. Each current source represents the value of 1 LSB;
therefore, ¥ LSB is equal to 0.5 I. Since the maximum INL should correspond to the V2
LSB, equating Eq. (29.20) to Y4 I results in the value for [AIl . v,

_05[_ I

IAI'max,INL - 2N-1 - 2N

(29.21)
Equation (29.21) illustrates the difficulty of using this architecture at high resolutions.
If the value of I is set to be 5 LA, and the N is desired to be 12 bits, then the value of
Al ., becomes

mn

5%107°
|AL o vz, = e =1.221 nA! (29.22)
which means that each of the 5 LA current sources must lie between the bounds of,
499878 HA <1, £5.001221 pA (29.23)

to achieve a worst-case INL, which is within ¥2 LSB error.

The DNL is easily obtained since the step height in the transfer curve is
equivalent to the value of the ideal current source, /. The maximum difference between
any two adjacent values of output current will be simply the value of the single source,
I,, which contains the largest mismatch error for which the DNL will be less than Y2
LSB, 1AL, py.:

Louttyy = Lourte-1y = L+ |AIL o pve (29.24)
Therefore, the DNL is simply
IDNL|,.0x = Tt + A e par. =1 = 1AL par (29.25)
Equating the maximum DNL to the value of ¥2 LSB,

AL =5 LSB =31 (29.26)

1
2

Microchip Ex. 1055, p. 825
Microchip v. Aptiv
IPR2024-00230



804 Part IV Mixed-Signal Circuits

which is much easier to attain than the requirement for the INL.

For the binary-weighted current sources seen in Fig. 29.10, a slightly different
analysis is needed to determine the requirements for INL and DNL. In this case, it will
be assumed that the current source corresponding to the MSB (D,,,) has a maximum
positive mismatch error value and the remainder of the bits (D, to D,, ) contain a
maximum negative mismatch error, so that the sum of all the errors equals zero.
Therefore, the INL is

[INL gy = 2V 0+ | Al ) = 2% 1= 29 AL e (29.27)

max
which is equivalent to the value of the current steering array in Fig. 29.9.

The DNL is slightly different because of the binary weighting of the current
sources. One cannot add a single current source with each incremental increase in the
digital input code. However, the worst-case condition for binary-weighted arrays tends
to occur at midscale when the code transitions from 011111...111 to 100000....000.
The worst-case DNL at this point is

N-1
DNLmax = [ZM U+ Al )~ 2 25 (= AT |max,DNL)] =1 (29.28)
k=1

which can be written as

DNLyax = 2V (T4 |AI g o) = @Y1 = 1) - (U= |AI] o) =1 = @Y = 1) - |AZ e oz

(29.29)
and setting this value equal to ¥2 LSB and solving for Al ,
0.51 I
AT e pre = 587 = St 5 (29.30)

Therefore, the DNL requirements for the binary-weighted current source array is more
stringent than the INL requirements.

One interesting issue regarding the previous derivation is that the challenging
accuracy requirements in Eq. (29.30) are placed only on the MSB current source. For
each of the remaining binary-weighted sources, the DNL requirements become more
relaxed. This is simply because the size of the MSB source is equivalent to all the other
sources combined, and so its value plays the most important role in the DAC's accuracy.

Example 29.5

Determine the tolerance of the MSB current source on a 10-bit binary-weighted
current source array with a unit current source of 1 WA, which will result in a
worst-case DNL that is less than ¥2 LSB.

Since Eq. (29.30) defines the maximum IA/l needed to keep the DNL less than %2
LSB, we must first use this equation,
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1x10°
|A]Ima.x,DNL = m =(0.4888 nA
For a 10-bit DAC, the MSB current source will have a value that is 2° times
larger than the unit current source, or 0.512 mA. Therefore, the range of values
for which this array will have a DNL that is less than ¥2 LSB is

0.51199995 mA < I,,5, < 0.5120004888 mA ®
29.1.5 Charge Scaling DACs

A very popular DAC architecture used in CMOS technology is the charge scaling DAC.
Shown in Fig. 29.12a, a parallel array of binary-weighted capacitors, totaling 2"C, is
connected to an op-amp. The value, C, is a unit capacitance of any value. After
initially being discharged, the digital signal switches each capacitor to either V. or
ground, causing the output voltage, v,,,, to be a function of the voltage division
between the capacitors.

Since the capacitor array totals 2"C, if the MSB is high and the remaining bits
are low, then a voltage divider occurs between the MSB capacitor and the rest of the
array. The analog output voltage, v, becomes

oN-1 = Vegr- aN-1( _ Veer
N1 42N 4283 4 44241+ 1)C 2vc 2

(29.31)

which confirms the fact that the MSB changes the output of a DAC by Y2 V... Figure
29.12b shows the equivalent circuit under this condition. The ratio between v, and
Ve due to each capacitor can be generalized to

k

vour = %‘,;,—g‘ - Vrer =25V . Vigr (29.32)

vour = VRerF -

our

where it is assumed that the k-th bit, D,, is 1 and all other bits are zero. Superposition
can then be used to find the value of v, for any digital input word by

N=1
vour =2, Di2¥N - Vigr (29.33)
k=0
One limitation of this architecture as shown in Fig. 29.12a is the existence of a
parasitic capacitance at the top plate of the capacitor array due to the op-amp. This will
prohibit its use as a high-resolution data converter. A better implementation would
include the use of a parasitic insensitive, switched-capacitor integrator (see Ch. 27) as
the driving circuit. However, the capacitor array itself is the critical component of this
data converter and is used in charge redistribution ADCs (Sec. 29.2.5).

The INL and DNL calculations for the binary-weighted capacitor array are
identical to those for the binary-weighted current source array, except the unit current
source, I, and its corresponding error term, Al, are replaced by C and AC in Egs.
(29.27) - (29.30).
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Reset @%Z“Cf 4ac Ij—-T'zc IjL{c ic &r— Vour

Dy Dy, D, D, Dy

L

VREF

(@)
-1

V
REF _-H—I___HQ,N-I . ;E  Vour

(b)

Figure 29.12 (a) A charge scaling DAC, (b) the equivalent circuit with the MSB = 1,
and all other bits set to zero.

Example 29.6
Design a 3-bit charge scaling DAC and find the value of the output voltage for
D,D .D,= 010 and 101. Assume that V,,.=5V and C=0.5 pF.

The 3-bit DAC can be seen in Fig. 29.13a. The equivalent circuits for the
capacitor array can be seen in Fig. 29.13b and c¢. The value of the output
voltage can be calculated by either using Eq. (29.32) or the equivalent circuits
and performing the voltage division. For D = 010, the equivalent circuit in Fig.
29.13b yields

vour = Vrer - (i—) =125V
Using Eq. (29.33) to calculate v, for D = 101 yields

N-1
vour =2, Di2¥N - Vegr=[1-27H+0-2H+1-2H]-5= (-é-+%) 5=3.125V:
k=0

which is the result expected. ®
Layout Considerations for a Binary-Weighted Capacitor Array

One problem with this converter is the need for precisely ratioed capacitors. As the
number of bits increase, the ratio of the MSB capacitor to the LSB capacitor becomes
more difficult to control. For example, Fig. 29.14a shows a 3-bit binary capacitor array
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— Vour

—E| F —2—i5pF
5V H,_ Vour 5V }—T—VOUT
$3pF g1.5p}=

(b) ©

Figure 29.13 (a) A 3-bit charge scaling DAC used in Ex. 29.6 and
the equivalent circuits inputs equal to (b) 010 (c) 101.

using three capacitors. When the capacitor is fabricated, undercutting of the mask [2,
3] will cause an error in the ratio of the capacitors, causing potentially large DNL and
INL errors as N increases.

One solution to this problem is seen in Fig. 20.14b. Here, each capacitor in the
array is constructed out of a unit capacitance. Undercutting then affects all the
capacitors in the same way, and the ratio between capacitors is maintained. Another
problem that affects even this layout strategy is a nonuniform oxide growth. Gradient
errors will result in errors in the ratios of the capacitors. Figure 29.14c¢ illustrates
another layout strategy that overcomes this issue. The capacitors are laid out in a
common-centroid scheme so that the first-order oxide errors average out to be the same
for each capacitor.

The Split Array

The charge scaling architecture is very popular among CMOS designers because of its
simplicity and relatively good accuracy. Although a linear capacitor is required using
poly2, high resolutions in the 10 to 12-bit range can be achieved. Passive, double-poly
capacitors have good matching accuracy as well. However, as the resolution increases,
the size of the MSB capacitor becomes a major concern. For example if the unit
capacitor, C, was chosen to be 0.5 pF, and a 16-bit DAC was to be designed, the MSB
capacitor would need to be

Cusp =2""1.0.5 pF=16.384 nF (29.34)

Based on our 2 um process parameters, the capacitance between polyl and poly2 is
nominally 500 aF/um?®. Therefore, the area required for this one capacitor is over 30
million square microns!
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Figure 29.14 Layout of a binary-weighted capacitor array using (a) single capacitors
(b) unit capacitors to minimize undercutting effect, and (c) common-
centroid to minimize oxide gradients.

One method to reduce the size of the capacitors is to use a split array. A 6-bit
example of the array is pictured in Fig. 29.15. This architecture [1] is slightly different
from the charge scaling DAC pictured in Fig. 29.13 in that the output is taken off a
different node and an additional attenuation capacitor is used to separate the array into a
LSB array and a MSB array. Note that the LSB, D), now correponds to the leftmost
switch and that the MSB, D, corresponds to the rightmost switch. The value of the
attenuation capacitor can be found by

sum of the LSB array capacitors C

Catten = -
T sum of the MSB array capacitors

(29.35)
where the sum of the MSB array is equal to the sum of LSB capacitor array minus C.
The value of the attenuation capacitor should be such that the series combination of the
attenuation capacitor and the LSB array, assuming all bits are zero, is equal to C.

Example 29.7

Using the 6-bit charge scaling DAC shown in Fig. 29.15, (a) show that the
output voltage will be % - Vrer if (a) D,D,D,D,D,D; = 100000 and (b) the output
will be & - Ver if D,D,D,D,D,D, = 000001.
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D, D, D, D, D, Ds
LSB array MSB array

Figure 29.15 A charge scaling DAC using a split array.

(a) If D;=1 and the remaining bits are all zero, then the equivalent circuit for
the DAC can be represented by Fig. 29.16a. The expression for the output
voltage then becomes

VOUT='——'i——'~ VREF=%" Vrer
(%II8)+3+4

(b) For the second case, the equivalent circuit can be seen in Fig. 29.16b. The
intermediate node voltage, V,, is simply the voltage division between C and the
remainder of the circuit, or

Va = Vrer- ;7 =1 = Vrer (29.36)

(7 + ;7;) +1 8+%

The output voltage can be written as
8
vour= Vs === V4 (29.37)
$47 57
8
i ¢y, 7
L e Iy S S e e Ry L SO
g?’c T 7€ 7C =F7C
g &8C g g

(a) (b)

Figure 29.16 Equivalent circuits for Example 29.7.
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Plugging Eq. (29.36) into Eq. (29.37) yields

- . 8 _ Vrer
vour = Vrer ©30+56 o4 (29.38)

which is the desired result. &
29.1.6 Cyclic DAC

The cyclic DAC uses only a couple of simple components to perform the conversion.
As seen in Fig. 29.17, a summer adds V,,, or ground to the feedback signal depending
on the input bits. An amplifier with a gain of 0.5 feeds the output voltage back to the
summer such that the output at the end of each cycle is dependent on the value of the
output during the cycle before. Notice that the input bits must be read in a serial
fashion. Therefore, the conversion is performed one bit at a time, resulting in N cycles
required for each conversion. The voltage output at the end of the n-th cycle of the
conversion can be written as

2 2
with a condition such that the output of the S/H is initially zero [v,(0) =0 V].

vour(n) = (Dn—l - Vrer + L valn— 1)) L (29.39)

The accuracy of this converter is dependent on several factors. The gain of the
0.5 amplifier needs to be highly accurate (to within the accuracy of the DAC) and is
usually generated with passive capacitors.  Similiarly, the summer and the
sample-and-hold also need to be N-bit accurate. Limitations of the converter due to
these fundamental building blocks will be discussed in more detail in Sec. 29.3. Since
this converter uses a pseudo-"sampled-data" approach, implementing this architecture
using switched capacitors is relatively easy.

Dy
DN~Z——:— Parallel-
gz_-_ to-serial F——m
] .
Dy converter ,
Dy
Vrer - Va
Dy SH

Vour

Figure 29.17 A cyclic digital-to-analog converter.
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Example 29.8
Show the value of the output voltage at the end of each cycle for a 6-bit cyclic
DAC with an input value of D,D,D,D,D,D = 110101. Assume that V.= 5 V.

We can predict the value of the output based on our previous experience with
DACs. The digital input 110101 corresponds to 53,,. Therefore, the output
voltage due to this input should be

Vour = g—i- Vg = 4.140625 V

Now examine the cyclic converter in Fig. 29.17. By performing a 6-bit
conversion and using Eq. (29.39), the outputs occurring at the end of each cycle
can be seen in Fig. 29.18.

The output voltage at the end of the sixth cycle is precisely what was
predicted. Note that had this been a 3-bit conversion, the output voltage at the
end of cycle 3 would correspond to the value of the 3-bit DACs studied
previously with an input of 101. H

Cycle Number, n D, v(nl) Vourlh)
1 1 0 “B(iS+0)=25V
2 0 5 Yo (0+25)=125V
3 1 25 B (5+1.25)=3.125V
4 0 6.25 Y2 (0+3.125) =1.5625V
5 1 3.125 14 (5 +1.5625)=3.28125V
6 1 6.5625 Y2 (5 +3.28125) = 4.140625 V

Figure 29.18 Output from the 6-bit cyclic DAC used in Ex. 29.8.

29.1.7 Pipeline DAC

The cyclic converter presented in the last section takes N clock cycles per N-bit
conversion. Instead of recycling the output back to the input each time, we could extend
the cyclic converter to N stages, where each stage performs one bit of the conversion.
This extension of the cyclic converter is called a pipeline DAC and is seen in Fig.
29.19. Here, the signal is passed down the "pipeline," and as each stage works on one
conversion, the previous stage can begin processing another. Therefore, an initial N
clock cycle delay is experienced as the signal makes its way down the pipeline the very
first time. However, after the N clock cycle delay, a conversion takes place at every
clock cycle.

Besides the N clock cycle delay, this architecture can be very fast. However, the
amplifier gains must be very accurate to produce high resolutions. Also, this
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1 Your(), V.OU_I(?._) )
SH._|—pxd D sH @ Voure
—  Stagel —  Stage 2 ——  Stage N
\ Do J7D0 & \ DI QDI & \ DN_l DN—I 8
Vrer Virer Vrer

Figure 29.19 A pipeline digital-to-analog converter.

architecture uses N times more circuitry than that of the cyclic, so there is a tradeoff
between speed and chip area. The output voltage of the n-th stage in the converter can
be written as

Vourp) = [Dn-1 - VRer +Voure-1] - % (29.40)

The operation of each stage in the pipeline can be summarized as follows: if the input
bitis a 1, add V,,, to the output of the previous stage, divide by two, and pass the value
to the next stage. If the input bit is a 0, simply divide the output of the previous stage by

two and pass along the resulting value.

Example 29.9

Find the output voltage for a 3-bit pipeline DAC for three cases: D, = 001, D,
=110, and D, = 101 and show that the conversion time to perform all three
conversions is five clock cycles using the pipeline approach. Assume that V. =

S5V.

The first stage will operate on the LSBs of each word; the second stage will
operate on the middle bits; and the last stage, the MSBs. Based on the pipeline
strategy, once the LSB of the first input word is performed and passed on, the
LSB of the second word,.D, , can begin its conversion. Similarly, once the LSB
of the second stage is completed and passed on, the LSB of the third word, D,.,
can begin. The conversion cycle for all three input words will produce the
output shown in Fig. 29.20. The items that are in bold are associated with the
first input word, D, , whereas the italicized numbers represent the values
associated with D, and the underlined items, D,.

The first output of the DAC is not valid until the end of the third clock cycle and
should look familiar as the 3-bit DAC output for an input word of D,D,D, = 001.
The following two clock cycles that produce outputs for D,D D, equal 110 and
101, respectively. B
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Clock Cycle  vyurq Voure) Vours D, D, D,
1 2.5 0 0 1 0 0
2 0 1.25 0 0 0 0
3 25 2.5 0.625 1 1 0
4 125 3.75 0 I
5 3.125 1

Figure 29.20 Output from the 3-bit pipeline DAC used in Example 29.9.

29.2 ADC Architectures

A survey of the field of current A/D converter research reveals that a majority of effort
has been directed to four different types of architectures: pipeline, flash-type, successive
approximation, and oversampled ADCs. Each has benefits that are unique to that
architecture and span the spectrum of high speed and resolution.

Since the ADC has a continuous, infinite-valued signal as its input, the
important analog points on the transfer curve x-axis for an ADC are the ones that
correspond to changes in the digital output word. These input transitions determine the
amount of INL and DNL associated with the converter.

29.2.1 Flash

Flash or parallel converters have the highest speed of any type of ADC. As seen in Fig.
29.21, they utilize one comparator per quantization level (2¥ — 1) and 2" resistors (a
resistor string DAC). The reference voltage is divided into 2" values, each of which is
fed into a comparator. The input voltage is compared with each reference value and
results in a thermometer code at the output of the comparators. A thermometer code
will exhibit all zeros for each resistor level if the value of v,, is less than the value on the
resistor string, and ones if v, is greater than or equal to voltage on the resistor string.
A simple 2" — 1:N digital thermometer decoder circuit converts the compared data into
an N-bit digital word. The obvious advantage of this converter is the speed with which
one conversion can take place. Each clock pulse generates an output digital word. The
advantage of having high speed, however, is counterbalanced by the doubling of area
with each bit of increased resolution. For example, an 8-bit converter requires 255
comparators, but a 9-bit ADC requires 511! Flash converters have traditionally been
limited to 8-bit resolution with conversion speeds of 10 — 40 Ms/s using CMOS
technology [4-6]. The disadvantages of the Flash ADC are the area and power
requirements of the 2¥— 1 comparators. The speed is limited by the switching of the
comparators and the digital logic.

Microchip Ex. 1055, p. 835
Microchip v. Aptiv
IPR2024-00230



814 Part IV Mixed-Signal Circuits

Vin
Vrer Thermometer
R code
R% "—; ;
> ——— Dy_
* + ¢ N-1
R % Dy-
T >N Digital
b . | Decoder Dy output
. : A D1
I : — D
N D
R ; Z
R +

Figure 29.21 Block diagram of a Flash ADC.

Example 29.10

Design a 3-bit Flash converter, listing the values of the voltages at each resistor
tap, and draw the transfer curve for v, = 0 to 5 V. Assume Vi, =5 V.
Construct a table listing the values of the thermometer code and the output of the
decoder forv,, = 1.5, 3.0, and 4.5 V.

The 3-bit converter can be seen in Fig. 29.22. Since the values of all the

resistors are equal, the voltage of each resistor tap, V,, will be V, = V., (é)

where i is the number of the resistor in the string for i = 1 to 7. Obviously, V,=
0625V, V,=125V,V,=1875V,V,=25V, V,=3125,V, =375V, V,=
4.375 V. Therefore, when v, first becomes equal or greater than each of these
values, a transition will occur in the transfer curve. The transfer curve can be
seen in Fig. 29.23 and should look similar to those seen in Ch. 28. The
quantization levels and their corresponding thermometer codes can be
summarized as seen in Fig. 29.24.

The transfer curve of this ADC corresponds to the ADC with quantization
error centered about + ¥2 LSB, as discussed in Ch. 28 (Fig. 28.20). To shift the
curve by 2 LSB so that the code transitions occur around the LSB values and the
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VIN
Vrer
R
Vi - C
i 4+
R%
Vs - C
R% L +
Vs - C
RS [V
N 2¥-1:N| g 2
Va | Cs | Decoder | DI
R > 0
Vs - C3
L ame +
R%
V2 - C2
1

Vv - C]
— +

Ri

Figure 29.22 Three-bit Flash A/D converter to be used in Ex. 29.10.

quantization error is centered around 0 LSB, the value of the last resistor in the
string would have to be adjusted to % and the value of the MSB resistor, closest
to the reference voltage, would have to be made 1.5R. Then the first code
transition would occur at v,, = 0.3125 V, and the last code transition would
occur at v,, = 4.0625 and so the transfer curve would exactly match that of Fig.
28.20.

Based on Fig. 29.24, when v,, = 1.5 V, only comparators C, and C, will have
outputs of 1, since both V, and V, are less than 1.5 V. The remaining
comparator outputs will be 0 since V, through V, will be greater than 1.5 V, thus
generating the thermometer code, 0000011. The encoder must then convert this
into a 3-bit digital word, resulting in 010. The same reasoning can be used to
construct the data shown in Fig. 29.25. It should be obvious that if the polarity of
the comparators were reversed, the thermometer code would be inverted. B
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Digital
oulput} \code, D
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110+

1011
100+
011+

T
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001+

000 >
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125 1.875.2.5 3.1253‘754 375 50

Figure 29.23 Transfer curve for the 3-bit Flash converter in Example 29.10.

- C,C.C.C,CC,C, D,D,D,
0<v,y<0.625V 0000000 000
0.625V <, <125V 0000001 001
125V <v,y<1875V 0000011 010
1875V <vyy<2.5V 0000111 011
25V <v,<3.125V 0001111 100
3125V <y <375V 0011111 101
375V <v, <4375V 0111111 110
4375 <v, 1111111 111

Figure 29.24 Code transitions for the Flash ADC used in Ex. 29.10.

Accuracy Issues for the Flash ADC

Accuracy is dependent on the matching of the resistor string and the input offset voltage
of the comparators. From Sec. 26.1, we know that an ideal comparator should switch at
the point at which the two inputs, v, and v_, are the same potential. However, the offset
voltage V_, prohibits this from occurring as the comparator output switches state as
follows:

v,=1 whenv, >v +V (29.41)

[
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Vi GGG CGGLE D,D,D,
15 0000011 010
3.0 0001111 100

4.5 1111111 111

Figure 29.25 Output for the Flash ADC used in Ex. 29.10.

v,=0  whenv,<v_+V_ (29.42)

The resistor string DAC was analyzed and presented in Sec. 29.1.2; the voltage on the
i-th tap of the resistor string was found to be

Vrer x AR
VI Vz ideal +——— 2N kE—:{ R (2943)
where V, ..., is the voltage at the i-th tap if all the resistors had an ideal value of R. The
term, AR, is the value of the resistance error (difference from ideal) due to the
mismatch. Note that*for the resistor string DAC, the sum of the mismatch terms plays
an important factor in the overall voltage at each tap.

The switching point for the i-th comparator, V_ ., then becomes

swi®

sz,i =V, + Vos,i (2944)

where V . is the input referred offset voltage of the i-th comparator. The INL for the

0s,i

converter can then be described as

INL = Vi = Vswideal = Viw,i = Viideal (29.45)
which becomes
Vrer v AR
INL === El 2+ Vosi (29.46)

The worst-case INL will occur at the middle of the string (i = 2¥") as described in Sec.
29.1.2 and Eq. (29.10). Including the offset voltage, the maximum INL will be

AR
|INL) 0 = VREF Z =+ Vosil e = Vier - T' IAR ko + | Vosi| e
k=1 2"R
(29.47)
which can be rewritten as
Veer ARy
[INL|,., = |22k ax+'V"svi|max (29.48)

where it is assumed that the maximum positive mismatch occurs in all the resistors in
the lower half of the string and the maximum negative mismatch occurs in the upper
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half (or vice versa) and that the comparator at the i-th tap contains the maximum offset
voltage, 1V, |,... Notice that the offset contributes directly to the maximum value for

the INL. This explains another limitation to using Flash converters at high resolutions.
The offset voltage alone can make the INL greater than Y2 LSB.

Example 29.11

If a 10-bit Flash converter is designed, determine the maximum offset voltage of
the comparators which will make the INL less than 2 LSB. Assume that the
resistor string is perfectly matched and V. =35 V.

Equation (29.48) requires that the offset voltage be equal to ¥2 LSB. Therefore,

Vsl = 551—1= 244mV W

The DNL calculation for the Flash converter is also attained using the analysis
first presented in Sec. 29.1.2. Using the definition of DNL,
DNL = Vgy; — Vi1 —1 LSB (in volts) (29.49)
Plugging in Eq. (29.44),
DNL=V;+V,5;— Vi1 — V51 —1 LSB (29.50)

which can be written by using Eq. (29.6) as
Veer AR;

DNL = Vi ideas = Vit,ideas + '-é-,r,—' R + Vos,i = Vos,io1 — 1 LSB (29.51)
which becomes
V AR;
DNL= —i’f—jf- o Vosi = Vs (29.52)

The maximum DNL will occur assuming AR, is at its maximum, V, ; is at its maximum

os,{
positive value, and V_ . is at its maximum negative voltage. Thus,

AR;
R

5, 8-1

14
IDNL|,,, = 2RI§F :

which assumes that the maximum offset voltage in the positive and negative directions
are symmetrical. Therefore, both resistor string matching and offset voltage affect the
DNL of the converter.

29.2.2 The Two-Step Flash ADC

+2|Vosl e (29.53)

max

Another type of Flash converter is called the two-step Flash converter or a parallel,
feed-forward ADC [7-10]. The basic block diagram of a two-step converter is seen in
Fig. 29.26. The converter is separated into two complete Flash ADCs with feed-forward
circuitry. The first converter generates a rough estimate of the value of the input, and
the second converter performs a fine conversion. The advantages of this architecture
are that the number of comparators is greatly reduced from that of the Flash converter -
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viv —{S/H + Va Vs

Vi S

ubtractor Residue
amp
MSB DAC LSB

ADC ADC

A
MSBs LSBs

Latches

VoV

Dy-1 Dy-2 D2 Dy Dy
Digital output

Figure 29.26 Block diagram of a two-step Flash ADC.

from 2" — 1 comparators to 2(2¥? — 1) comparators. For example, an 8-bit Flash
converter requires 255 comparators, while the two-step Flash requires only 30. The
tradeoff is that the conversion process takes two steps instead of one, with the speed
limited by the bandwidth and settling time required by the residue amplifier and the
summer. The conversion process is as follows:

1. After the input is sampled, the most significant bits (MSBs) are converted by the
first Flash ADC.

2. The result is then converted back to an analog voltage with the DAC and subtracted
with the original input.

3. The result of the subtraction, known as the residue, is then multiplied by 2¥* and
input into the second ADC. The multiplication not only allows the two ADCs to be
identical, but also increases the quantum level of the signal input into the second
ADC.

4. The second ADC produces the least significant bits through a Flash conversion.

Some architectures use the same set of comparators in order to perform both steps. The
multiplication mentioned in step 3 can be eliminated if the second converter is designed
to handle very small input signals. The accuracy of the two-step ADC is dependent
primarily on the linearity of the first ADC.

Figure 29.27 illustrates the two-step nature of the converter. A more intuitive
approach can be explained with this picture. The first conversion identifies the segment
in which the analog voltage resides. This is also known as a coarse conversion of the
MSBs. The results of the coarse conversion are then multiplied by 2" so that the
segment within which V), resides will be scaled to the same reference as the first

Microchip Ex. 1055, p. 841
Microchip v. Aptiv
IPR2024-00230



820 Part IV Mixed-Signal Circuits

conversion. The second conversion is known as the fine conversion and will generate
the final LSBs using the same Flash approach. One can see why the accuracy of the
first converter is so important. If the input value is close to the boundary between two
coarse segments and the first ADC is unable to choose the correct coarse segment, then
the second conversion will be completely erroneous. The following example further
illustrates the two-step algorithm.

Veer =T T Vrer
== Subtrciict | """ Fine
10— e,?gland —L 10 —conversion

Vi —> [ Coarse

01 —Jl-conversion 5 N3;2 101

00 —— L 00

Figure 29.27 Coarse and fine conversions using a two-step ADC.

Example 29.12

Assume that the two-step ADC shown in Fig. 29.26 has four bits of resolution.
Make a table listing the MSBs, V,, V,, V,, and the LSBs for V), =2, 4,9, and 15
V assuming that V. =16 V.

Since V. was conveniently made 16 V, each LSB willbe 1 V. If V,, =2V, the
output of the first 2-bit Flash converter will be 00 since V.= 16 V and each
resistor drops 4 V. The output of the 2-bit DAC, V|, will therefore be 0,
resulting in V, = 2 V. The multiplication of V, by the 4 results in V, =8 V.
Remember that each 2-bit Flash converter resembles that of Fig. 29.21. The
thermometer code from the second Flash converter will be 0011, which results in
10 as the LSBs. The other values can be calculated as seen in Fig. 29.28. ®

V, DD,MSBs) V, V, V, DD,(LSBs)

(S

2 00 0 2 8 10
4 01 4 0 0 00
9 10 8 1 4 01
15 11 12 3 12 11

Figure 29.28 Output for the Flash ADC used in Ex. 29.12.

Accuracy Issues Related to the Two-Step Flash Converters

As stated previously, the overall accuracy of the converter is dependent on the first
ADC. The second Flash must have only the accuracy of a stand-alone Flash converter.
This means that if an 8-bit two-step Flash converter contains two 4-bit Flash converters,
the second Flash needs only to have the resolution of a 4-bit Flash, which is not difficult
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to achieve. However, the first 4-bit Flash must have the accuracy of an 8-bit Flash,
meaning that the worst-case INL and DNL for the first bit Flash must be less than 14
LSB for an 8-bit ADC. Thus, the resistor matching and comparators contained in the
first ADC must possess the accuracy of the overall converter. Refer to Sec. 29.2.1 for
derivations on INL and DNL for a Flash. The DAC must also be accurate to within the
resolution of the ADC.

Accuracy Issues Related to the Operational Amplifiers

With the addition of the summer and the amplifier, other sources of accuracy errors are
present in this converter. The summer and the amplifier must add and amplify the
signal to within %2 LSB of the ideal value. It is quite difficult to implement standard
operational amplifiers within high-resolution data converters because of these accuracy
requirements. The nonideal characteristics of the op-amp are well known and in many
cases alone limit the accuracy of the data converter. In this case, the amplifier is
required to multiply the residue signal by some factor of two. Although this may not
seem difficult at first glance, a closer examination will reveal a dependency on the
open-loop gain.

Suppose that the amplifier was being used in a 12-bit, two-step data converter.
Remember that in order for a data converter to be N-bit accurate, the INL and DNL
need to be kept below £%2 LSB and one-half of an LSB can be defined as

0.5LSB = —;f%f—fl (29.54)

Since the output of the amplifier gets quantized to 6 bits, the amplifier would need to be
6-bit accurate, resulting in an accuracy of

Accuracy = SoT =——=0.0078 =0.78% (29.55)

And suppose that a feedback amplifier with a gain of 64, or 2¥?, is used as the residue
amplifier. The gain would need to be within the following range:

63.5 VIV <A, <645 VIV (29.56)

where A, is the closed-loop gain of the amplifier. Already, one can see why
operational amplifiers are not used for high-accuracy applications. Designing an
op-amp with a high degree of gain accuracy is very difficult.

Generalizing this concept for an N-bit application will require knowledge of
feedback theory discussed in Ch. 23. The closed-loop gain of the amplifier is expressed
as

v AoL
Agp=<=—""— 5
cL=5 T+ AoLp (29.57)
where A,, is the open-loop gain of the amplifier and B is the feedback factor. Also,
from Ch. 23, it is known that as A,, increases in value, the closed-loop gain, A,
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approaches the value of —1-. Therefore, if it is assumed that the closed-loop gain of the

p

amplifier will be equal to the ideal value of L plus some maximum deviation from the

p
ideal, AA, then,

Yo Ao _ 1,y (29.58)

and the value of AA will be equal to 2 LSB and L i the desired value of the closed-loop

B

gain (usually some factor of 2V). Therefore, the right two terms of Eq. (29.58) can be
solved for the open-loop gain of the amplifier such that

1 Nt 5 2N+1
gD =55 (29.59)

B

Equation (29.59) relates the open-loop gain of an amplifier to the resolution and
closed-loop gain of the data converter. If the op-amp is to be used as a gain of 64, but is
required to amplify signals with 6-bit accuracy, then the open-loop gain of the amplifier
must be at least

|AoLl =

' N+1
|AoL| 2 %—;—r— =128-64=8,192 V/V (29.60)

This is certainly an achievable specification. However, notice that for every bit increase
in resolution the open-loop gain requirement doubles. This is one reason why two-step
Flash converters are limited in resolution to around 12 bits [9-12].

Linearity of the amplifier is another aspect of amplifier performance that must
be considered when designing ADCs. The amplifier must be able to linearly amplify
the input signal over an input voltage range to within ¥2 LSB of the number bits that its
output is quantized. This means that if the amplifier is used in a 12-bit, two-step ADC,
the slope of the transfer curve must be within 6-bit accuracy of the ideal. If the
amplifier is not designed correctly, nonlinearity is introduced as devices in the amplifier
go into nonsaturation. Harmonic distortion occurs, resulting in an error within the
ADC.

Linearity is typically measured in terms of total harmonic distortion, or THD,
(refer to Sec. 22.3). However, the transfer curve illustrates the limitation more
effectively. Figure 29.29 shows a transfer curve of an op-amp with a gain of two. The
ideal transfer curve is shown if the input range is known to be between — 1 and 1 V.
The actual transfer curve shows nonlinearity introduced at both ends of the input range.
In order for the amplifier to be N-bit accurate, the slope of the actual transfer curve may
not vary from the ideal by more than the accuracy required at the output of the
amplifier. Note also in Fig. 29.29 the subtle difference between a gain error and
nonlinearity. However, a gain error is much less harmful to an ADC's performance
than harmonic distortion.
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2-_
1T Gain error
<t —t—>V,
20 -1 1 2
+-1
2
4 - %)
Ideal ¥

Figure 29.29 An op-amp transfer curve that distinguishes between gain error
and linearity error.

29.2.3 The Pipeline ADC

After examining the two-step ADC, one might wonder whether there is such a con\;erter
as a three-step or four-step ADC. In actuality, one could divide the number of
conversions into many steps. The pipeline ADC is an N-step converter, with 1-bit being
converted per stage. Able to achieve high resolution (10-13 bits) at relatively fast
speeds [11-15], the pipeline ADC consists of N stages connected in series (Fig. 29.30).
Each stage contains a 1-bit ADC (a comparator), a sample-and-hold, a summer, and a
gain of two amplifier. Each stage of the converter performs the following operation:

VRer

l. 5

After the input signal has been sampled, compared it to . The output of each

comparator is the bit conversion for that stage.

Vrer
2
VREF

2
original input signal to the amplifier. The output of each stage in the converter is

referred to as the residue.

V’;EF (comparator output is 1),

Ifv, >

pass the result to the amplifier . If V), <

is subtracted from the held signal and

(comparator output is 0), then pass the

Multiply the result of the summation by 2 and pass the result to the sample-and-hold
of the next stage.

, A main advantage of the pipeline converter is its high throughput. After an
initial delay of N clock cycles, one conversion will be completed per clock cycle. While
the residue of the first stage is being operated on by the second stage, the first stage is
free to operate on the next samples. Each stage operates on the residue passed down
from the previous stage, thereby allowing for fast conversions. The disadvantage is
having the initial N clock cycle delay before the first digital output appears. The
severity of this disadvantage is, of course, dependent on the application.
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Figure 29.30 Block diagram of a pipeline ADC.

One interesting aspect of this converter is its dependency on the most significant
stages for accuracy. A slight error in the first stage propagates through the converter
and results in a much larger error at the end of the conversion. Each succeeding stage
requires less accuracy than the one before, so special care must be taken when
considering the first several stages.

Example 29.13

Assume the pipline converter shown in Fig. 29.30 is a 3-bit converter. Analyze
the conversion process by making a table of the following variables: D,, D,, D,,
V, V,, forv,=2,3,and 4.5 V. Assume that V,,.=5V. Where V, is the residue
voltage out of the first stage and V, is the residue voltage out of the second stage.

The output of the first comparator, D, = 0, since v, <2.5V. Since D,=0,V, =
2(2) =4 V. Passing this voltage down the pipeline, since V,> 2.5V, D, =1 and
V, becomes

Vi= (VZ—Y%E—’?—)xz:?,V
The LSB, D, = 1, since V, > 2.5 V, and the digital output corresponding to V,, =
2 V,is D,D,D,= 011. The actual digital outputs are simply the comparator
outputs, and the data can be completed as seen in Fig. 29.31. &

vy  V,(V)  V,(V) Digital Out (D,D,D,)

2.0 4.0 3.0 011
3.0 1.0 2.0 100
4.5 4.0 3.0 111

Figure 29.31 Output for the pipeline ADC used in Ex. 29.13.
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Accuracy Issues Related to the Pipeline Converter

The 1-bit per stage ADC can be analyzed by examining the switching point of each
comparator for the ideal and nonideal case. Using Fig. 29.30, and assuming all the
components are ideal, let v,,, represents the value of the input voltage when the first
comparator switches. This occurs when

VIN1 = %VREF (2961)

The positive input voltage on the second comparator, v,,, can be written in terms of the
previous stage, or

V2 =[vin = % *Dy-1 - Vrer] -2 (29.62)

where D, is the MSB output from the first comparator and is either a 1 or a 0. The
second comparator switches when v, = %—VREF, The value of v, at this point, denoted as
%

N2 18

VIN2 = % “Dy-1- VRer + %VREF (29.63)

Continuing on in a similar manner, we can write the value of the voltage on the positive
input of the third comparator in terms of the previous two stages as .

Vp3 = [[VIN"‘ % - Dn-1 - Vrer] - 2— [% Dy - VREF]] -2 (29.64)

and the third comparator will switch when v, = %VREF, which corresponds to the point
at which v, becomes

VIN3 = % *Dn-1+ VRer +‘}1‘ “Dy_g - Vrer + %VREF (29.65)

By now, a general trend can be recognized and the value of v,, can be derived for the
point at which the comparator of the N-th stage switches. This expression can be
written as

1 1 1 1 1
VNN =5 D1 - Vrer+3 - Do - VRer+ 5 Dy - Vegr + oo+ 555 D1 - Veer + 55 - Vieer

(29.66)

Notice that the preceding equation does not include D,. This is because D, is the output
of the N-th stage comparator.

Now that we have derived the switching points for the ideal case, the nonideal
case can be considered. Only the major sources of error will be included in the analysis
so as not to overwhelm the reader in the analysis. These include the comparator offset
voltage, V., , and the sample-and-hold offset voltage, V.. The variable, x,
represents the number of the stage for which each of the errors is associated, and the
"prime" notation will be used to distinguish between the ideal and nonideal case. The
reader should also be aware that the offset voltages can be of either polarity. It will be
assumed that all of the residue amplifiers will have the same gain, denoted as A.
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7

p»1> Will include the offset

The positive input to the first nonideal comparator, v
from the first sample-and-hold, such that

v;l =vy+ Vsos,1 (29.67)

Now the first comparator will not switch until the voltage on the positive input
overcomes the comparator offset as well. This occurs when

vll,l = -;:VREF + Vcos,1 (29.68)

Thus, equating Egs. (29.67) and (29.68) and solving for the value of the input voltage
when the switching occurs for the first comparator yields

V;N,l = %VREF + Vcos,1 — Vsos,1 (29.69)
The input to the second comparator, v;z, can be written as
V,/,z = [viv + Vsosa -"12' *Dno1 - Vrer] - A+ Visos (29.70)

and the value of input voltage at the point which the second comparator switches occurs
when

\%
V;N,z = % D1 Vrer + %—iE—F - Vsos1— %(Vsos,z - Vcos2) (29.71)

Continuing in the same manner, we can write the value of the input voltage that causes
the third comparator to switch as

d 1 1 Vze, 1 1 1 1
Vins =7 - D1« Veer +5 - Dva - = = Visos1 — xVsosa — 53 Vsoss — ;{[Vcosg - 'Z'VREF:l
(29.72)

which can be generalized to the N-th switching point as

% v % v N vy
4 1 1 REF. 1 REF , 1 REF COSN SOSk
vIN,N .Z.DN 1 "REF+'2"DN~2'_—+---+E’D1'W+E'TT+'—}T_T‘_Z_1'—,¢_T

(29.73)

The INL can be calculated by subtracting switching point between the nonideal
and ideal case. Therefore, the INL of the first stage is found by subtracting Egs. (29.69)
and (29.61).

INLy = V;N,l —vivi1 = Veos1 — Vsosi (29.74)
The second stage INL is
7 _Vrer(1 1) _ Vsosa | Veosa
INL, =Viyy —VviNe = - ( 2 2) Vsos,1 % + - (29.75)

and the INL for the N-th stage is

1. . (L 1), 1, . (L1
INLN—2 Dy - Vyer (A 2)+2 Dn_z - Vrer (AZ 4)+.-.
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1 1 1 1 1 1 Veosny & Vsosk
o Dy - Vier - [AN—Z B 2N~2)+§' Vrer - (AN-l YA )+ AN-T “El Ak

(29.76)

Equations (29.74) - (29.76) are very important to an understanding of the limitations of
the pipeline ADC. Notice the importance of the comparator and summer offsets in Eq.
(29.74). The worst-case addition of the offsets must be less than ¥2 LSB to keep the
ADC N-bit accurate. The second stage is more dependent on the gain of the residue
amplifier as seen in Eq. (29.75). The gain error discussed in the previous section plays
an important role in determining the overall accuracy of the converter. Now examine
the effects of the offsets on the INL of the N-th stage. In Eq. (29.76), both the
comparator and summer offsets of the N-th stage (when k = N ) are divided by a large
gain. Therefore, the latter stages in a pipeline ADC are not as critical to the accuracy as
the first stages, and die area and power can be reduced by using less accurate designs for
the least significant stages. The summation term in Eq. (29.76) also reveals that the
summer offset of the first stage (k = 1) has a large effect on the N-th stage. However,
this point is inconsequential since Vg, will have to be minimized to achieve N-bit
accuracy for the first stage anyway. Typically, if the INL and DNL specifications can be
made N-bit accurate in the first few stages, the latter stages will not adversely affect
overall accuracy.

The DNL can be found by calculating the difference between the worst-case
switching points and subtracting the ideal value for an LSB. As defined earlier, the
worst-case will occur at midscale when the output switches from 0111..111 to
1000...000 as v,, increase. Thus, the DNL is

DVL = Vi = o = 2 (20.77)
where vf,NYN is calculated using Eq. (29.73) and assuming that D, is a zero and all the

other bits are ones. Plugging in Egs. (29.69) and (29.73) into Eq. (29.77) yields

N-1 N
1 1 Veosn <~ Vsosx  Vger
DNLpax = EVREF[I“E :4—,() +Veos1 — ez 'Ez R (29.78)

Again, the term that dominates this expression is the comparator offset associated with
the first stage and the summer offset of the second stage. The entire expression in Eq.
(29.78) must be less than ¥2 LSB for the ADC to have N-bit resolution.

29.2.4 Integrating ADCs

Another type of ADC performs the conversion by integrating the input signal and
correlating the integration time with a digital counter. Known as single- and dual-slope
ADCs, these types of converters are used in high-resolution applications but have
relatively slow conversions. However, they are very inexpensive to produce and are
commonly found in slow-speed, cost-conscious applications.
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Single-Slope Architecture

Figure 29.32 illustrates the single-slope converter in block level form. A counter
determines the number of clock pulses that are required before the integrated value of a
reference voltage is equal to the sampled input signal. The number of clock pulses is
proportional to the actual value of the input, and the output of the counter is the actual
digital representation of the analog voltage.

Reset
Integrator H
Clock in —o C
=VREF ~ AN - L | Reset ounter
R + VC
'%7— Control T
logic
£ Latch
VIN S/H Comparator

DN..1DN_2 D2 Dl DO
Digital out

Figure 29.32 Block diagram of a single-slope ADC.

Since the reference is a DC voltage, the output of the integrator should start at
zero and linearly increase with a slope that is dependent on the gain of the integrator.
Notice that the reference voltage is defined as negative so that the output of the
inverting integrator is positive. At the time when the output of the integrator surpasses
the value of the S/H output, the comparator switches states, thus triggering the control
logic to latch the value of the counter. The control logic also resets the system for the
next sample. Figure 29.33 illustrates the behavior of the integrator output and the

Jom A1
clock.

Note that if the input voltage is very small, the conversion time is very short,
since the counter has to increment only a few times before the comparator latches the
data. However, if the input voltage is at its full-scale value, the counter must increment
to its maximum value of 2" clock cycles. Thus, the clock frequency must be many times
faster than the bandwidth of the input signal. The conversion time, ¢_, is dependent on
the value of the input signal and can be described as

N N Tk (29.79)

tr=
" Vrer

where T, is the period of the clock. The sampling rate is inversely proportional to the
conversion time and can be written as

\ 433
ample = : 29.80
Ssamp T ferk ( )
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V‘P Comparator output

VINT = - = = = =~ = - =~ - - 2
Latch
and
Integrator output | reset
(a) t
|%

Counted pulses

&
K

Figure 29.33 Single-slope ADC timing diagrams for (a) the comparator inputs and outputs
and (b) the resulting counted pulses.

Example 29.14
Determine the clock frequency needed to form an 8-bit single-slope converter, if
the analog signal bandwidth is 20 kHz.

Since the sampling rate required is 40 kHz, then the worst-case situation would
occur for a full-scale input, in which event the integrator output would have to
climb to its maximum value and the counter would increment 2" times during
the corresponding 25 ps period between samples. Therefore, the clock frequency
would need to be 2" times faster than the sampling rate or 10.24 MHz. &

Accuracy Issues Related to the Single-Slope ADC

Obviously, many potential error sources abound in this architecture. At the end of the
conversion, the voltage across the integrating capacitor, V., (assuming no initial
condition), will be

_1 % Verer ;. _ Vrer -t
Vc_Cjo dr = (29.81)

where ¢_ is the conversion time. Plugging Eq. (29.79) into Eq. (29.81) yields

Ve = 2V Tork - viv _ 2V vy
RC fcx - RC

(29.82)

Equation (29.82) is a revealing one in that the final voltage on the integrator output is
dependent not only on the value of the input voltage, which is to be expected, but also
on the value of R, C, and f,,. Therefore, any nonideal effects affecting these values
will have an influence on the accuracy of the integrator output from sample to sample.
For example, if an integrated diffused-resistor is used, then the voltage coefficient of the
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resistor could limit the accuracy, since the resistor will be effectively nonlinear.
Similiarly, the capacitor may have charge leakage or aging effects associated with it.
Also, any jitter in the clock will affect the overall accuracy. The integrator must have a
linear slope to within the accuracy of the converter, which is dependent on the
specifications of the op-amp (open-loop gain, settling time, offset, etc.) and must be
considered accordingly.

Offset voltages on the comparator, the S/H, or the integrator will result in
additional or fewer clock pulses, depending on the polarity of the offset. A delay also
exists from the time that the inputs to the comparator are equal and the time that the
output of the counter is actually latched. The reference voltage must also stay constant
to within the accuracy of the converter.

Dual-Slope Architecture

A slightly more sophisticated design known as the dual-slope integrating ADC (Fig.
29.34) eliminates most of the problems encountered when using the single-slope
converter. Here, two integrations are performed, one on the input signal and one on
Ve~ The input voltage in this case is assumed to be negative, so that the output of the
inverting integrator results in a positive slope during the first integration. Figure 29.35
illustrates the behavior for two separate samples. The first integration is of fixed length,
dictated by the counter, in which the sample-and-held signal is integrated, resulting in
the first slope. After the counter overflows and is reset, the reference voltage is
connected to the input of the integrator. Since v,, was negative and the reference
voltage is positive, the inverting integrator output will begin discharging back down to
zero at a constant slope. A counter again measures the amount of time for the integrator
to discharge, thus generating the digital output.

For this figure, a 3-bit ADC is being used. Thus, the first integration period
continues until the beginning of the eighth (2*) clock pulse, which corresponds to the
counter's overflow bit. Note that the integrator's output corresponding to V, is twice the
value of the output corresponding to V,.  Thus, it requires twice as many clock pulses
for the integrator to discharge back to zero from V, than from V,. The output of the
counter at ¢, is three or 011, while the counter output at 7, is twice that value or six
(110) and the quantization is complete.

Notice that the first slope varies according to the value of the input signal, while
the second slope, dependent only on V., is constant. Similiarly, the time required to
generate the first slope is constant, since it is limited by the size of the counter.
However, the discharging period is variable and results in the digital representation of
the input voltage.

Accuracy Issues Related to the Dual-Slope ADC

One may wonder how the dual-slope converter is an improvement over the single-slope
architecture, since a significantly longer conversion time is required. The first
integration period requires a full 2V clock cycle and cannot be decreased, because the
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. Reset

: Integrator : Clock in

' - Counter O/F

I — Reset

, 1 L]

Vrer ‘ Control
N AN Logic
. Ve Latch
(vin< 0)
Comparator

Dy1Dyo Dy Dy Dy

Digital out
Figure 29.34 Block diagram of a dual-slope ADC.

second integration might require the full 2" clock cycles to discharge if the maximum
value of v, is being converted. However, the dual slope is the preferred architecture
because the same integrator and clock are used to produce both slopes. Therefore, any
nonidealities will essentially be canceled. For example, assuming that the S/H is ideal,
the gain of the integrator at the end of the first integration period, T;, becomes

_ 1 mvw . lvwl-Ts
Vc_—cj =

RC (29.83)

Ve(B)A
Charging period Discharging period
Vep - - :
Variable slope e} Constant slope
Q
o,
8
VA """""""" ?
)
=,
(5]
S
o.
>< > ! >
Fixed integration period, Ty - ta I

Variable integration period, T»

mmﬁﬂﬂﬂﬂﬂﬂﬂﬂﬂﬂﬂﬂﬂ i

1 2 3 4 5 6 7 8 2 3 4 5 6 .

Figure 29.35 Integration periods and counter output for two separate samples of
a 3-bit dual-slope ADC.
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The output at the end of 7, is positive since the input voltage is considered to be
negative and the integrator is inverting. After the clock has been reset, the discharging
commences, with the initial condition defined by the value of the integrator output at
the end of the charging period, or

_bwl-T1 1 (7 Veer
Vo=t = J, L gy (29.84)
Once the value of the integrator output, V., reaches zero volts, Eq. (29.84) becomes
_ vl Ty Veer-Ty
Ve= RC RC =0 (29.85)
or,
vivl - T1 = Vrer - T2 (29.86)

At the end of the conversion, the dependencies on R and C have canceled out. Since we
also know that the counter increments 2" times at time, 7, , and the counter increments
D times at time, T,, Eq. (29.86) can be rewritten as

D _ vl

2N Vrer (29.87)
where D is the counter output that is actually the digital representation of the input
voltage. Thus, it can be written that the ratio of the input voltage and the reference
voltage is proportional to the ratio of the binary value of the digital word, D, and 2".
Therefore, since the same clock pulse is responsible for the charging and discharging
times, any irregularities will also cancel out.

- 29.2.5 The Successive Approximation ADC

The successive approximation converter basically performs a binary search through all
possible quantization levels before converging on the final digital answer. The block
diagram is seen in Fig. 29.36. An N-bit register controls the timing of the conversion
where N is the resolution of the ADC. V,, is sampled and compared to the output of the
DAC. The comparator output controls the direction of the binary search, and the output
of the successive approximation register (SAR) is the actual digital conversion. The
successive approximation algorithm is as follows.

1. A 1 is applied to the input to the shift register. For each bit converted, the 1 is
shifted to the right 1-bit position. B, ,=1 and B, through B = 0.

2. The MSB of the SAR, D, , is initially set to 1, while the remaining bits, D,,
through D,, are set to 0.

3. Since the SAR output controls the DAC and the SAR output is 100...0, the DAC
output will be set to Z%Ei
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. \4 .
4. Next, v,y is compared to =, If K’%""—F- is greater than v, then the comparator output

is a 1 and the comparator resets D, to 0. If V’;EF is less than v,, , then the

comparator output is a 0 and the D, , remains a 1. D, is the actual MSB of the
final digital output code.

5. The 1 applied to the shift register is then shifted by one position so that B, , = 1,
while the remaining bits are all 0.

6. D,, is settoa 1, Dy, through D, remain 0, while D, , remains the value from the

MSB conversion. The output of the DAC will now either equal V’ffF (f Dy, =0)or
3Vrer /. -
Zeee (if = 1),

7. Next, v, is compared to the output of the DAC. If the DAC output is greater than
vy the comparator the D, , is reset to 0. If v, is less than the DAC output, D,
remains a 1.

8. The process repeats until the output of the DAC converges to the value of v,, within
the resolution of the converter.

N-bit
shift register
Bn-1| |Bw= |By|By|By

Clock in—> —> End

SAR

Dy Dy |Do|Dy| Dy
y

Vasr——  N-bit DAC

| VOUT +
- > Comp out

Figure 29.36 Block diagram of the successive approximation ADC.

Figure 29.37 shows an example of the binary search nature of the converter. The
bolded line shows the path of the conversion for 101, corresponding to %VREF. All
possible quantization levels are represented in the binary tree. With each bit decided,
the search space decreases by one-half until the correct answer is converged upon.

Example 29.15

Perform the operation of a 3-bit successive approximation ADC similar to Fig.
29.36 with V., = 8. Make a table that consists of D,D D, B,B,B,, V,,, (the
output from the DAC) and the comparator output, which shows the binary
search algorithm of the converter forv,,=5.5Vand 2.5 V.
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ALour
VREF
1
1 Do 7/8
e e
. 0
1 D, 6/8
1
LI 'Y pa— R
D, e E1L
; 1 Do 3/8
¥ D, L 28
‘ 1
F b 1/8
0 0>
Start Tl T2 T3

Figure 29.37 Binary search performed by a 3-bit successive approximation ADC for D=101.

We will designate D,'D,'D, as the initial output of the SAR before the
comparator makes its decision. The final value is designated as D,D,D,. Notice
that if the comparator is a 1, D,'D,'D,' differs from D,D,D,, but if the comparator
outputs a 0, then D,'D,'D) = D,D,D,. The output of the shift register is
designated as B,B,B,,.

Following the algorithm discussed previously, initially v,, = 5.5 V and is
compared with 4 V. Since the comparator output is 0, the MSB remains a 1.
The next bit is examined, and the output of the DAC is now 6 V. Since V>
v,y , the comparator output is 1, which resets the current SAR bit, D, to a O at
the end of period T2. Lastly, the LSB is examined, and v,, is compared with 5
V. Since v,, > V,,;, The comparator output is a 0, and the current SAR bit, D,),
remains a 1. The results can be examined in Fig. 29.38a. The final value for
D,D,D, is 101, which is what is expected considering that 101 in binary is
equivalent to 5,,. Figure 29.38b shows the data for the ADC using v, =2.5 V.
The final value for v,, = 2.5 is 010, which again is what is expected for 3-bit
resolution. H

The successive approximation ADC is one of the most popular architectures
used today. The simplicity of the design allows for both high speed and high resolution
while maintaining relatively small area. The limit to the ADC's accuracy is dependent
mainly on the accuracy of the DAC. If the DAC does not produce the correct analog
voltage with which to compare the input voltage, the entire converter output will
contain an error. Referring again to Fig. 29.37, we can see that if a wrong decision is
made early, a massive error will result as the converter attempts to search for the correct
quantization level in the wrong half of the binary tree.
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Step v, B,BB, D,D,D, Vour Comp Out D,D.D,
T1 55 100 100 12 Vip=4'V 0 100
T2 55 010 110 (1/241/8)Vype= 6V 1 100
T3 55 001 101 (17241/8) Ve =5V 0 101

(a)

Step vy B,B\B, D'\D'\D', Vour Comp Out D,D.D,
T1 25 100 100 12 Vipe =4V 1 000
T2 25 010 010 14 Ve =2V 0 010

T3 25 001 011 (1/4+1/8)Vip, =3V 1 010
(b)
Figure 29.38 Results from the 3-bit successive approximation ADC using (a) v,,=5.5
and (b) 2.5 V.

The Charge-Redistribution Successive Approximation ADC

One of the most popular types of successive approximation architectures uses the
binary-weighted capacitor array (analyzed in Sec. 29.1.5) as its DAC. Called a charge
redistribution successive approximation ADC [2,16,17], this converter samples the
input signal and then performs the binary search based on the amount of charge on each
of the DAC capacitors. Figure 29.39 shows an N-bit architecture. A comparator has
replaced the unity gain buffer used in the DAC architecture. The binary-weighted
capacitor array also samples the input voltage, so no external sample-and-hold is
needed.

The conversion process begins by discharging capacitor array, via the reset
switch. Although this may appear to be an insignificant action, the converter is also
performing automatic offset cancellation. Once the reset switch is closed, the
comparator acts as a unity gain buffer. Thus, the capacitor array charges to the offset

Reset
Vrop

\ ]
—[zN—l Clé;;.;éfdrc _L _L _LC ;;_br— Bit out

p—ZC C
1

.

- l _—;_’—\___l

vy

VREF

Successive apgroximation register
(SAR)

Figure 29.39 A charge redistribution ADC using a binary-weighted capacitor array DAC.
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voltage of the comparator. This requires that the comparator be designed so as to be
unity gain stable, which means that internal compensation may have to be switched in
during the reset period. Next, the input voltage, v, , is sampled onto the capacitor
array. The reset switch is still closed, for the top plate of the capacitor array needs to be
connected to virtual ground of the unity gain buffer. The equivalent circuit is seen in
Fig. 29.40a.

The reset switch is then opened, and the bottom plates of each capacitor in the
array are switched to ground, so that the voltage appearing at the top plate of the array
is now V- v,, (Fig. 29.40b). The conversion process begins by switching the bottom
plate of the MSB capacitor to V,,. (Fig. 29.40c). If the output of the comparator is
high, the bottom plate of the MSB capacitor remains connected to V... . If the
comparator output is low, the bottom plate of the MSB is connected back to ground.
The output of the comparator is D,,,. The voltage at the top of the capacitor array, V,,,,
is now

\%
Vrop =—vin+ Vos +Dy-1 - ;EF (29.88)

The next largest capacitor is tested in the same manner as seen in Fig. 29.40d.
The voltage at the top plate of the capacitor after the second capacitor is tested becomes

% %
Vior =—vin+ Vos+Dn-1 - —;Ei +Dpg - % (29.89)
The conversion process continues on with the remaining capacitors so that the voltage
on the top plate of the array, V,,,, converges to the value of the offset voltage, V
(within the resolution of the converter), or

0
© @

Figure 29.40¢ The charge redistribution process: (a) Sampling the input while autozeroing
the offset, (b) the voltage at the top plate after sampling, (c) the equivalent
circuit while converting the MSB, and (d) the equivalent circuit while
converting the next largest capacitor with the MSB result equal to one.
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VRrEF VrEF VREF VREF
5 +Dp - T+....+D1 . N2 +Dyg - N1 = Vos

Vror=—vin+Vos+Dn-1 -

(29.90)

Note that the initial charge stored on the capacitor array is now redistributed onto only
those capacitors that have their bottom plates connected to Vi,.

Accuracy Issues Related to the Charge Redistribution Successive Approximation ADC

Obviously, the limitation of this architecture is the capacitor matching. The mismatch
is analyzed in the same manner as the binary-weighted current source array of Sec.
29.1.4. Thus, substituting the value of the unit capacitance, C, for the value of the unit
current source, /, and using Egs. (29.27) — (29.30),

|INL|max =21 (C+ !Ac'max,lNL) =2 c=2M1. 'AC' mazx,INL (29.91)

where the maximum AC that will result in an INL that is less than 2 LSB is

0.5C_ C
IAC o =237 = (29.92)

and DNL is defined by
DNLpax = (2 = 1) - |AC e oz (29.93)

with the maximum AC which will result in a DNL less than ¥2 LSB being

0.5C C
IACImux,DNL = =

C2V-1 aMlg
29.2.6 The Oversampling ADC

(29.94)

ADCs can be separated into two categories depending on the rate of sampling. The
first category samples the input at the Nyquist rate, or f, = 2F where F is the bandwidth
of the signal and f,, is the sampling rate. The second type samples the signal at a rate
much higher than the signal bandwidth. This type of converter is called an
oversampling converter.  Traditionally, successive approximation or dual-slope
converters are used when high resolution is desired. However, trimming is required
when attempting to achieve higher accuracy. Dual-slope converters require high-speed,
high-accuracy integrators that are only available using a high f, bipolar process. Having
to design a high-precision sample-and-hold is another factor that limits the realization
of a high-resolution ADC using these architectures.

The oversampling ADC [18-20] is able to achieve much higher resolution than
the Nyquist rate converters. This is because digital signal processing techniques are
used in place of complex and precise analog components. The accuracy of the converter
does not depend on the component matching, precise sample-and-hold circuitry, or
trimming, and only a small amount of analog circuitry is required. Switched-capacitor
implementations are easily achieved, and, as a result of the high sampling rate, only
simplistic anti-aliasing circuitry needs to be used. However, because of the amount of
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time required to sample the input signal, the throughput is considerably less than the
Nyquist rate ADCs.

Differences in Nyquist Rate and Oversampling ADCs

The typical process used in analog-to-digital conversion is seen in Fig. 29.41a, while the
block diagram for the oversampling ADC is seen in Fig. 29.41b. After filtering the
signal to help minimize anti-aliasing effects, the signal is sampled, quantized, and
encoded or decoded using simple digital logic to provide the digital data in the proper

format. When using oversampling ADCs, little if any, anti-alias filtering is needed, no

dedicated S/H is required, the quantization is performed with a modulator, and the
encoding usually takes the form of a digital filter.

. lAnti-aliasing| | L .1 | Digital E .
Analog input filter S/H Quantizer encoding F— Digital output
(a)
.| zA || Digital = ..
Analog input modulator filtr [— Digital output
(b)

Figure 29.41 Typical block diagram for (a) Nyquist rate converters and
(b) oversampling ADCs.

Since the oversampling converter samples at many times the signal bandwidth,
aliasing is not a serious problem. A discussion of the frequency characteristics of
aliasing was presented in Ch. 28. Figure 29.42a shows that when using Nyquist rate
converters, a sampled signal in the frequency domain appears as a series of band-limited
signals at multiples of the sampling frequency (see Fig. 28.26 for more details). As the
sampling frequency decreases, the frequency spectra begin to overlap, and aliasing (Fig.
29.42b) occurs. Complex, "brickwall" filters are needed to correct the problem.

For oversampled ADCs, aliasing becomes much less of a factor. Since the
sampling rate is much greater than the bandwidth of the signal, the frequency domain
representation shows that the spectra are widely spaced, as seen in Fig. 29.42c.
Therefore, overlapping of the spectra, and thus aliasing, will not occur, and only simple,
first-order filters are required.

Oversampling converters typically employ switched-capacitor circuits and
therefore do not need sample-and-hold circuits. The output of the modulator is a
pulse-density modulated signal that represents the average of the input signal. The
modulator is able to construct these pulses in real time, and so it is not necessary to hold
the input value and perform the conversion.
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Sampling frequency is twice the signal bandwidth.

Signal
/ bandwidth (‘hmmmﬂ\j

"‘Zfs \‘ 0 s 2fs fs 0 fs 2fv
@ "ot
Aliasing
(b)

Oversampling frequency is many times the signal bandwidth.

m m /M

wf" 0 f:s' f
©

Figure 29.42 Frequency domain for (a) Nyquist rate converters (b) the
aliasing that occurs; and (c) an oversampling converter.

As stated previously, the modulator actually provides the quantization in the
form of a pulse-density modulated signal. Referred to as sigma-delta (ZA) or
delta-sigma (AZX) modulation, the density of the pulses represents the average value of
the signal over a specific period. Figure 29.43 illustrates the output of the modulator for
the positive half of a sine wave input. Note that for the peak of the sine wave, most of
the pulses are high. As the sine wave decreases in value, the pulses become distributed
between high and low according to the sine wave value.

\4
A

V4

S

Figure 29.43 Pulse-density output from a sigma-delta modulator for a sine wave input.
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If the frequency of the sine wave represented the highest frequency component of
the input signal, a Nyquist rate converter would take only two samples. The
oversampling converter, however, may take hundreds of samples over the same period
to produce this pulse-density signal.

Digital signal processing is then utilized, which has two purposes: to filter any
out-of-band quantization noise and to attenuate any spurious out-of-band signals. The
output of the filter is then downsampled to the Nyquist rate so that the resulting output
of the ADC is the digital data, which represents the average value of the analog voltage
over the oversampling period. The effective resolution of oversampling converters is
determined by the values of signal-to-noise ratio and dynamic range obtained.

The First-Order XA Modulator

Now that the basic function of the ZA modulator has been described, it would be useful
to examine its inner workings and determine why XA modulation is so beneficial for
generating high-resolution data. A basic first-order £A modulator can be seen in Fig,
29.44. Here, an integrator and a 1-bit ADC are in the forward path, and a 1-bit DAC is
in the feedback path of a single-feedback loop system. The variables labeled are in
terms of time, 7, which is the inverse of the sampling frequency and k, which is an
integer. The 1-bit ADC is simply a comparator that converts an analog signal into
either a high or alow. The 1-bit DAC uses the comparator output to determine if +V,,.
Or — Vypr is summed with the input.

While the benefits of ZA modulation are not obvious, a simple derivation of the
output, y(kT), will illuminate its distinct advantages. The output of the integrator,
w(kT), can be described as

u(kT) =x(kT - T) — q(kT - T) + u(kT - T) (29.95)
Integrator
Delay , ulkD) Xgl(t: > Y(kT)
1-bit
DAC

Figure 29.44 A first-order sigma-delta modulator.
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where, x(kT — T) — q(kT — T) is equal to the integrator's previous input, and u(kT — T) is
its previous output. The quantization error for the 1-bit ADC, as discussed in Ch. 28, is
again defined as the difference between its output and input such that

Q. (kT) = y(kT) ~ u(kT) (29.96)
Plugging Eq. (29.95) into Eq. (29.96), the output response, y(kT) is
y(kT) = Q(kT) + x(kT - T) — g(kT - T) + u(kT - T) (29.97)

An ideal 1-bit DAC has the following characteristic; if the input, y(kT) = 0, the output,
q(kT) = — Vype, and if y(kT) = 1, then g(kT) = Vi, Inreality, a 1-bit DAC consists of a
couple of switches connecting V.. or — V.. to a common node, so it is not difficult to
assume that the DAC is ideal. Therefore,

Y(KT) = q(kT) (29.98)
Utilizing Eq. (29.96) and Eq. (29.97), we find that Eq. (29.98) becomes
y&T) = x(kT - T) + Q,(kT) - Q (kT — T) (29.99)

Therefore, the output of the modulator consists of a quantized value of the input signal
delayed by one sample period, plus a differencing of the quantization error between the
present and previous values. Thus, the real power of ¥A modulation is that the
quantization noise, Q,, cancels itself out to the first order.

A frequency domain example will further illuminate this important fact.
Suppose that the first-order modulator can be modeled in the s domain as seen in Fig.
29.45, with an ideal integrator represented with transfer function of -}v-, the 1-bit ADC is
modeled as a simple error source, Q,(s), and again the DAC is considered to be ideal,
such that y(s) is equal to g(s). It is also assumed that the bandwidth of the input signal
is much less than the bandwidth of the modulator. Therefore, using simple feedback
theory, v,,,(s) becomes

vour(s) = Q.(s) + % [viv(s) = vour(s)] (29.100)
and solving for v, yields,
vour(s) = 0u(8)- - +vin()—t (29.101)
0.(5)

+
+

viv(s) ;/Z\

4(s)

© |-

—> Vour(s) = y(s)

Figure 29.45 A frequency domain model for the first-order sigma-delta modulator.
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Note that the transfer function from v,, to v, follows that of a low-pass filter and that
the transfer function of the quantization noise follows that of a high-pass filter. Plotted
together in Fig. 29.46, it is seen that in the region where the signal is of interest, the
noise has a small value while the signal has a high gain, and that at higher frequencies,
beyond the bandwidth of the signal, the noise increases. The modulator has essentially
pushed the power of the noise out.of the bandwidth of the signal. This high-pass
characteristic is known as rnoise shaping and is a powerful concept used within
oversampling ADCs. Low-pass filtering will then be performed by the digital filter in
order to remove all of the out-of-band quantization noise, which then permits the signal
to be downsampled to yield the final high-resolution output.

Vour 1 I
A e YN
P ; > o
) T Bandwidth of the modulator
Signal bandwidth

Figure 29.46 Frequency response of the first-order sigma-delta modulator.

As the XA modulator is generating the pulse-density modulated output, it is
interesting to examine the mechanics occurring in the loop, which result in an average
of the input. An actual £A modulator might resemble Fig. 29.47. A switched-capacitor
integrator (see Sec. 27.2) provides the summing as well as the delay needed. The 1-bit
ADC is a simple comparator, and 1-bit DAC is simply two voltage-controlled switches
that select either %2V, or -2V, to be summed with the input. A latched comparator
is used to provide the necessary loop delay. Notice that the variables used are voltage
representations of the variables used in Fig. 29.44. Remember that the function of the
integrator is to accumulate differences between the input signal and the output of the
DAC. Ifitis assumed that the input, v (kT ), is a positive DC voltage, then the output of
the integrator should increase. However, the feedback mechanism is such that the 1-bit
ADC (the comparator) has a low output if the integrator output, v (kT ), is positive.
Thus, Y2V, appears at the output of the DAC and is subtracted from the input, and the
integrator output is driven back toward zero. The opposite occurs when v (kT ) is
negative such that the integrator output is always driven toward zero by the feedback
mechanism. An example will illustrate the operation of the modulator in more detail.
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vu(KT)

vy (kT)

e
“
+L|'

Figure 29.47 Implementation of a first-order sigma-delta modulator
using a switched capacitor integrator.

Example 29.16 .

Using a general first-order £A modulator, assume that the input to the
modulator, v (k7T) is a positive DC voltage of 0.4 V. Show the values of each
variable around the ZA modulator loop and prove that the overall average output
of the DAC approaches 0.4 V after 10 cycles. Assume that the DAC output is
+1 V, and that the integrator output has a unity gain with an initial output
voltage of 0.1 V, and that the comparator output is either +1 V.

The present integrator output will be equal to the sum of the previous integrator
output and the previous integrator input. Therefore, Eq. (29.95) becomes

v(GkT)=v (kT-T)+ v (kT-T) (29.102)
where
V(KT ) =v (KT )~ v (kT) (29.103)
and the quantizing error, Q, (kT ), is defined by Eqgs. (29.96) and (29.98) as
QKT )=v (KT )~ v (kT) (29.104)

The initial conditions define the values of the variable for k = 0. The output of
the integrator is given to be 0.1 V. Thus, the ADC output is low, the DAC
output is V., and the output of the summer, v,(0),is 0.4 — V.. =~ 0.6 V.

The output for k = 1 begins again with the integrator output. Using Eq.
(29.102), v (KT ) becomes

v(T)=0.1+(-06)=-05V
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Since the output of the integrator is negative, the output of the comparator is
positive and — V,,, is subtracted from 0.4 to arrive at the value for v (T').

Continuing in the same manner and using the above equations, we note the
voltages for each cycle in Fig. 29.48. After 10 cycles through the modulator, the
average value of v (kT ) becomes,

Vo kD) = 7—1‘0—3 =04V

Notice that the behavior of v,(kT") swings around the desired value 0.4 V. If we
were to continue computing values, as k increases, the amount that v,(kT)
differs from 0.4 V would decrease. Ideally, we could make the deviation of
v4(kT) as small as desired by allowing the modulator to take as many samples as
necessary to meet that accuracy. B

k vk D v KD=v(KD) QKT) V. kT)
0 —0.6 0.1 1.0 0.9 1.0

1 1.4 -0.5 -1.0 -0.5 0

2 -0.6 0.9 1.0 0.1 0.333
3 -0.6 0.3 1.0 0.7 0.50
4 1.4 -0.3 -1.0 -0.7 0.20
5 -0.6 1.1 1.0 -0.1 0.333
6 —0.6 0.5 1.0 0.5 0.429
7 1.4 -0.1 —-1.0 -0.9 0.25
8 -0.6 1.3 1.0 —0.3 0.333
9 -0.6 0.7 1.0 0.3 0.40

Figure 29.48 Data from the first-order ZA modulator.

One interesting note is to examine the effects of using a nonideal comparator.
Suppose the integrator's output was smaller than the offset voltage of the comparator. A
wrong decision would be made, causing v (kT) to be the opposite of the desired value.
However, as k increases, this error is averaged out, and the modulator still converges on
the correct answer. Therefore, the comparator does not have to be very accurate in its
ability to distinguish between two voltages, in contrast to Nyquist rate comparators.

An interesting application of the first-order ZA modulator was reported in [20].
First-order £A modulators were used to perform pixel-level A/D conversion within a
CMOS image sensor. In most digital imaging systems, ADCs are used to convert the
analog signal representing the light intensity gathered by a charge-coupled device
(CCD). Either a single high-speed ADC is used to convert the entire signal off of the
CCD, or a parallel array of lower performance ADCs is used with one ADC assigned to
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each column of the sensor. Both of these configurations suffer performance loss because
of the analog communication required between the sensor and the converter.

It would be optimum to provide an ADC for each pixel in the sensor. However,
the size of the ADC becomes critical as the number of converters increases. By using
1-bit, first-order XA modulators, the author was able to minimize the area required for
each pixel (including the first-order £A) to 30 um by 30 pm and designed a first-order
ZA using only 19 transistors, as seen in Fig. 29.49.

Bit
Photodiode '

A

ShutterB

L—‘*Ml

Figure 29.49 A pixel block using a first-order sigma-delta modulator [20].

Photocurrent from the photodiode is integrated on C1, using one side of a simple
differential amplifier for the gain. The output of the integrator is passed on to a clocked
comparator (via M10), which is a crude version of the first clocked comparator
presented in Sec. 16.1.3. The comparator performs a 1-bit analog-to-digital conversion
and passes the decision on to transistors, M16, M17, and M18, which actually form a
1-bit switched-capacitor DAC. This cleverly designed DAC does not convert the output
of the comparator to an analog voltage, but instead uses C2 to remove charge from Cl1,
thus resulting in an increase in output voltage of the integrator. The capacitor, C2, is
discharged when ¢2 is high. However, when the output of the comparator is high, ¢1 is
high, and ¢2 is low, the capacitor C2 is connected directly to the input of the integrator,
thus transferring charge off of C1. If the comparator output is low, no charge is
transferred from C1. The author was able to achieve a SNR of 52 dB and a dynamic
range of 85 dB using a 0.8 um process.
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The Higher Order ZA Modulators

Higher order A modulators exist which provide a greater amount of noise shaping. A
second-order XA modulator can be seen in Fig. 29.50. A derivation of the second-order
transfer function would reveal that the output contained a delayed version of the input
plus a second-order differencing of the quantization noise, Q, (see Problem 29.38). A
third-order modulator would contain third-order differencing of the quantization and
can be constructed by adding another integrator similar to integrator A into the system.

Integrator A Integrator B
N+ ' : N - kT
) —3{ 2 )z ) () Detay ] 1bie [
- + - + ‘
q(kT) Delay
1-bit
DAC

Figure 29.50 A second-order sigma-delta modulator.

Figure 29.51 shows the noise-shaping functions of a first-, second-, and
third-order modulator. The cross-hatched area under each of the curves represents the
noise that remains in the signal bandwidth and is a magnified version of the blackened
area of Fig. 29.46. As the order increases, notice that more of the noise is pushed out
into the higher frequencies, thus decreasing the noise in the signal bandwidth. It should
be reiterated that XA modulators do not attenuate noise at all. In fact, they add
quantization noise that is very large at high frequencies. But because almost all of the

Ny,
>

Second-order f -

=
2 .
5 First-order
=S
&
=T}
=
5] \
G
0.) .
8 Third-order
Z
~ 3 —> f
Signal bandwidth Sampling frequency

Figure 29.51 Noise shaping comparison of a first-, second-, and third-order modulator.
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noise is out of the signal bandwidth, it can be easily filtered, leaving only a small
portion within the signal bandwidth. This point is important because the XA modulator
should not be construed as a filtering circuit.

The resolution also increases as the order of the ¥A modulator and the
oversampling ratio increases, as seen in Fig. 29.52 [21]. Using a first-order modulator,
one can expect an increase in dynamic range of 9 dB with every doubling of the
oversampling ratio. This correlates to an approximate increase in resolution of 1.5 bits
according to Eq. (28.28). The higher-order modulators have even greater gains in
resolution as a 2.5-bit increase is attained with each doubling of the oversampling ratio
using a second-order modulator, while the third-order modulator increases 3.5 bits.

20 +
Third-order

= 164- Second-order
@,
g 127
E \
(e}
g 8T First-order
=4

44

4 8 16 32 64 128 256 512
Oversampling ratio

Figure 29.52 Comparison of first-, second-, and third-order modulators versus
oversampling ratio and resolution.

One could essentially construct a high-order £A modulator with many
integrators. However, as with any system employing feedback, stability becomes a
critical issue. The same holds true for the high-order XA modulators. Several other
topologies have been developed which can implement modulators in a cascaded fashion
and are guaranteed to be stable [22, 23]. However, considerable matching requirements
need to be overcome.
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PROBLEMS
29.1 A 3-bit resistor string DAC similiar to the one shown in Fig. 29.2a was designed

with a desired resistor of 500 Q. After fabrication, mismatch caused the actual
value of the resistors to be

R, =500, R, =480, R, =470, R, = 520, R, = 510, R, =490, R, = 530, Ry = 500
Determine the maximum INL and DNL for the DAC assuming V,,, =5 V.

29.2 An 8-bit resistor string DAC similiar to the one shown in Fig. 29.2b was
fabricated with a nominal resistor value of 1 k. If the process was able to
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29.3

294

29.5

29.6

provide matching of resistors to within 1 percent, find the effective resolution of
the converter. What is the maximum INL and DNL of the converter? Assume
that Ve =5 V.

Compare the digital input codes necessary to generate all eight output values for
a 3-bit resistor string DAC similiar to those shown in Fig. 29.2a and b. Design a
digital circuit that will allow a 3-bit binary digital input code to be used for the
DAC in Fig. 29.2a. Discuss the advantages and disadvantages of both
architectures.

Plot the transfer curve of a 3-bit R-2R DAC if all Rs = 1.1 k2 and 2Rs = 2 kQ.
What is the maximum INL and DNL for the converter? Assume all of the
switches to be ideal and V. =5 V.

Suppose that a 3-bit R-2R DAC contained resistors that were perfectly matched
and that R = 1 kQ and V. =5 V. Determine the maximum switch resistance

that can be tolerated for which the converter will still have 3-bit resolution.
What are the values of INL and DNL?

The circuit illustrated in Fig. 29.5 is known as a current-mode R-2R DAC, since
the output voltage is defined by the current through R,. Shown in Fig. P29.6 is
an N-bit voltage-mode R-2R DAC. Design a 3-bit voltage mode DAC and
determine the output voltage for each of the eight input codes. Label each node
voltage for each input. Assume that R =1kQ and that R, =R, =10kQ and V,,,
=5V.

Ry Ry
Vour R R
2R 2R
Vrer 4 i : d
Dy Dy Dzlv—a bz bl bo
Figure P29.6
29.7 Design a 3-bit current steering DAC using the generic current steering DAC

29.8

shown in Fig. 29.9. Assume that each current source, I, is 5 mA, and find the
total output current for each input code.

A certain process is able to fabricate matched current sources to within 0.05
percent. Determine the maximum resolution that a current steering (nonbinary
weighted) DAC can attain using this process.
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29.9 Design an 8-bit current steering DAC using binary-weighted current sources.
Assume that the smallest current source will have a value of 1 HA. What is the
range of values that the current source corresponding to the MSB can have while
maintaining an INL of %2 LSB? Repeat for a DNL less than or equal to ¥2 LSB.

29.10 Prove that the 3-bit charge scaling DAC used in Ex. 29.6 has the same output
voltage increments as the R-2R DAC in Ex. 29.3 for V.. =5V and C = 0.5 pF.

29.11 Determine the output of the 6-bit charge scaling DAC used in Ex. 29.7 for each
of the following inputs: D = 000010, 000100, 001000, and 010000.

29.12 Design a 4-bit charge scaling DAC using a split array. Assume that V. =5V
and that C = 0.5 pF. Draw the equivalent circuit for each of the following input
words and determine the value of the output voltage: D = 0001, 0010, 0100,
1000. Assuming the capacitor associated with the MSB had a mismatch of 4
percent, calculate the INL and DNL.

29.13 For the cyclic converter shown in Fig. 29.17, determine the gain error for a 3-bit
conversion if the feedback amplifier had a gain of 0.45 V/V. Assume that V.. =
5V.

29.14 Repeat Problem 29.13 assuming that the output of the summer was always 0.2 V
greater than the ideal and that the amplifier in the feedback path had a perfect
gain of 0.5 V/V,

29.15 Repeat Problem 29.13 assuming that the output of the summer was always 0.2 V
greater than ideal and that the amplifier in the feedback path had a gain of 0.45
V/V.

29.16 Design a 3-bit pipeline DAC using V.. =5 V. (a) Determine the maximum
and minimum gain values for the first-stage amplifier for the DAC to have less
than %2 LSBs of DNL assuming the rest of the circuit is ideal. (b) Repeat for
the second-stage amplifier. (c) Repeat for the last-stage amplifier.

29.17 Using the same DAC designed in Problem 29.16, (a) determine the overall error
(offset, DNL, and INL) for the DAC designed in Problem 29.16 if the S/H
amplifier in the first stage produces an offset at its output of 0.25 V. Assume
that all the remaining components are ideal. (b) Repeat for the second-stage
S/H. (c) Repeat for the last-stage S/H.

29.18 Design a 3-bit Flash ADC with its quantization error centered about zero LSBs.
Determine the worst-case DNL and INL if resistor matching is known to be 5
percent. Assume that V. =5V.

29.19 Using the ADC designed in Problem 29.18, determine maximum offset which
can be tolerated if all the comparators had the same magnitude of offset, but with
different polarities, to attain a DNL of less than or equal to +%2 LSB.
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29.20 A 4-bit Flash ADC converter has a resistor string with mismatch as shown in

29.21

29.22

29.23
29.24
29.25

29.26

Table P29.20. Determine the DNL and INL of the converter. How many bits of
resolution does this converter possess? Vp..=35 V.

Resistor Mismatch (%)
1 2
2 1.5
3 0
4 -1
5 -0.5
6 1
7 1.5
8 2
9 2.5
10 1
11 0.5
12 -1.5
13 = }
14 0
15
16 1
Table P29.20

Determine the open-loop gain required for the residue amplifier of a two step
ADC necessary to keep the converter to within Y2 LSB of accuracy with
resolutions of (a) 4 bits, (b) 8 bits, and (c) 10 bits.

Assume that a 4-bit, two-step Flash ADC uses two separate Flash converters for
the MSB and LSB ADCs. Assuming that all other components are ideal, show
that the first Flash converter needs to be more accurate than the second
converter. Assume that V., =5V.

Repeat Ex. 29.12 for V), =3,5,7.5, 1475 V.
Repeat Ex. 29.13 for V,,=1,4,6,7Vand V., =8 V.

Assume that an 8-bit pipeline ADC was fabricated and that all the amplifiers
had a gain of 2.1 V/V instead of 2 V/V. If V,, =3 V and V.. =5V, what would
be the resulting digital output if the remaining components were considered to
be ideal? What are the DNL and INL for this converter?

Show that the first-stage accuracy is the most critical for a 3-bit, 1-bit per stage
pipeline ADC by generating a transfer curve and determining DNL and INL for
the ADC for three cases: (1) The gain of the first-stage residue amplifier set
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equal to 2.2 V/V, (2) the second-stage residue amplifier set equal to 2.2 V/V,
and (3) the third-stage residue amplifier set equal to 2.2 V/V. For each case,
assume that the remaining components are ideal. Assume that V,,.=5V.

29.27 An 8-bit single-slope ADC with a 5 V reference is used to convert a
slow-moving analog signal. What is the maximum conversion time assuming
that the clock frequency is 1 MHz? What is the maximum frequency of the
analog signal? What is the maximum value of the analog signal which can be
converted?

29.28 An 8-bit single slope ADC with a 5 V reference uses a clock frequency of 1
MHz. Assuming all other components to be ideal, what is the limitation on the
value of RC? What is the tolerance of the clock frequency which will ensure less
than 0.5 LSB of INL?

29.29 An 8-bit dual slope ADC with a 5 V reference is used to convert the same analog
signal in Problem 29.27. What is the maximum conversion time assuming that
the clock frequency is 1 MHz? What is the mimimum conversion time that can
be attained? If the analog signal is 2.5 V, what will be the total conversion
time?

29.30 Discuss the advantages and disadvantages of using a dual-slope versus a single
slope ADC architecture.

29.31 Repeat Ex. 29.15 for a 4-bit successive approximation ADC using V.. =5V for
= 1, 3, and full-scale.

29.32 Assume that v,, = 2.49 V for the ADC used in Problem 29.30 and that the
comparator, because of its offset, makes the wrong decision for the MSB
conversion. What will be the final digital output? Repeat for v,, = 0.3025,
assuming that the comparator makes the wrong decision on the LSB.

29.33 Design a 3-bit, charge redistribution ADC similiar to that shown in Fig. 29.39
and determine the voltage on the top plate of the capacitor array throughout the
conversion process for v, = 2, 3, and 4 V, assuming that V. =5 V. Assume
that all components are ideal. Draw the equivalent circuit for each bit decision.

29.34 Determine the maximum INL and maximum DNL of the ADC designed in
Problem 29.33 assuming that the capacitor array matching is 1 percent. Assume
that the remaining components are ideal and that the unit capacitance, C, is 1
pF.

29.35 Show that the charge redistribution ADC used in Problems 29.32 and 29.33 is
immune to comparator offset by assuming an initial offset voltage of 0.3 and
determining the conversion for v,y =2 V.

29.36 Discuss the differences between Nyquist rate ADCs and oversampling ADCs.
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29.37

29.38

29.39

Write a simple computer program or use a math program to perform the analysis
shown in Ex. 29.15. Run the program for k = 200 clock cycles and show that
the average value of v (kT') converges to the correct answer. How many clock
cycles will it take to obtain an average value if v (kT') stays within 8-bit accuracy
of the ideal value of 0.4 V? 12-bit accuracy? 16-bit accuracy?

Prove that the output of the second-order ZA modulator shown in Fig. 29.50 is,
YkT) =x(kT-T) + Q,(kT) - 2Q,(kT - T) + Q (kT - 2T)

Assume that a first order XA ADC used on a satellite in low earth orbit
experiences radiation in which an energetic particle causes a noise spike
resulting in the comparator making the wrong decision on the 10th clock period.
Using the program written in Problem 29.37, determine the number of clock
cycles required before the average value of v (kT ) is within 12-bit accuracy of
the ideal value of 0.4 V. How many extra clock cycles were required for this
case versus the ideal conversion used in Prob. 36?7
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Appendix

This appendix describes Orbit Semiconductor's’ 2.0 pwm double-poly, double-metal,
n-well process (CN20). The process specifications, electrical and SPICE parameters,
and design rules are given. The purpose is to give students the information they need to
design a CMOS integrated circuit using an actual CMOS process.
symbols and physical constants are shown in Tables A.1 and A.2.

Commonly used

Name Symbol Value
terra T 10%
giga G 10°
mega MEG 10°
kilo k 10°
milli m 10°®
micro L 10°
nano n 10°
|lpico p 10"
femto f 10
atto a 1018

Table A.1 Multiplier Symbols.

' Orbit Semiconductor, Inc., 1215 Bordeaux Drive, Sunnyvale, CA. 94089

. Tel: (408) 744-1800.
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Name Symbol Value/Units
Vacuum dielectric €, 8.85 aF/um
constant
Silicon dielectric € 11.7¢,
constant
Si0O, dielectric €, 3.97¢,
constant
SiN, dielectric € = 16¢g,
constant
Boltzmann's constant k 1.38 x102 J/K
Electronic charge q 1.6 x 10 C
Temperature T K
Thermal voltage v, kT/q

=26 mV @ 300 K

Table A.2 Useful physical constants.

Thickness or
Separation pm

Plate Cap. aF/um?
Min Typ Max

Fringe Cap. aF/um
Min Typ Max

Poly1 gate oxide 0.040 +/- 0.003 803 863 933

Poly?2 gate oxide 0.046 +/-0.005 677 750 842

Poly1 to subs. (FOX)| 0.600 +/— 0.050 53 58 63 85 88 92
Poly1 to poly2 0.070 +/- 0.008 443 493 557

Poly1/2 thickness 0.400 +/-0.030

Metall thickness 0.600 +/-0.060

Metal2 thickness 1.150 +/~0.120

Metall to poly1/2 0.900 +/- 0.100 35 38 43 84 88 93
Metall to substrate 1.500 +/-0.150 21 23 26 75 79 82
Metall to diffusion 0.900 +/- 0.100 35 38 43 84 88 93
Metal2 to poly1 1.900 +/- 0.200 16 18 20 83 87 91
Metal2 to substrate 2.500 +/- 0.250 13 14 15 78 81 85
Metal2 to diffusion 1.900 +/-0.200 16 18 20 83 87 91
Metal2 to metall 1.000 +/-0.100 31 35 38 95 100 104

Table A.3 Process thicknesses and distances.
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A.1 Process Specifications

The physical distances, thicknesses, and capacitances for the CN20 process are shown
in Table A.3. The main use of this table is in determining the parasitic capacitances in
a particular layout.

A.1.1 Electrical Specifications

The following six tables describe the electrical characteristics of the p- and n-channel
MOSFETs and the lateral bipolar junction transistor available in the CN20 process.

P-channel device L =2 um (Poly1) Min | Typ | Max
Threshold voltage V,,,, (V) 0.6 0.8 1.1
Gamma (V '?) 045 | 0.55 | 0.65
KP = (MUZ)C' ) (LA/NV?) 12 15 17
(Vep=0.1 Vwith Vi;=2V1to3V)

Punchthrough for minimum length channel (V) 10 14 16
Subthreshold slope™ (mV/decade) 90 100 110
Delta length (DL) = L, ~ L., (Lm) 0.7 04 0.1

Table A.4 Electrical parameters for the p-channel MOSFET.

N-channel device L =2 um (Polyl) Min | Typ | Max
Threshold Voltage V., (V) 0.6 0.8 1.1
Gamma (V'?) 0.15 | 025 | 035
KP = (MUZ)(C') (WANV?) 40 46 52
(Vps=0.1V with V=2V to 3 V)

Punchthrough for minimum length channel (V) 10 14 16
Subthreshold slope™ (mV/decade) 90 100 110
Delta length (DL) =L, — L, (Lm) 0.6 0.3 0

Table A.5 Electrical parameters for the n-channel MOSFET.
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NPN in the n-well
Beta = 80-200 @ I, = 1pA
BVezo 10V
BV o 210V
BV g5 >10V
BV 0 260V
P- Base Xj 0.45t0 0.5 um
N+ emitter =0.3 pm
R collector 1.0 0.2 kQ/sq
P- base resistance 1.2 +0.2 kQ/sq
Early voltage >30V

Table A.6 Electrical characteristics of the lateral NPN.

Sheet Resistance ({)/square) Min Typ Max
P+ active 50 70 100
N+ active 20 28 40
N-well (with field implant) 2,000 2,500 3,000
Poly1 15 21 30
Poly2 18 25 30
Metall 0.05 0.06 0.06
Metal2 0.02 0.03 0.03
P - substrate (ochm-cm) 30 45 60
Table A.7 Sheet resistances.
Contact Resistance (Single contact 2 um x 2 um) | Min | Max
Metall to p+ active 35 75
Metall to n+ active 20 50
Metall to polyl 20 50
Metall to poly2 20 50
Metall to metal2 0.05 | 0.08

Table A.8 Contact resistances.
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Field Inversion and Breakdown Voltages (V) Min | Typ | Max
n-channel poly1 field inversion 10 14
n-channel metall field inversion 10 14
p-channel poly1 field inversion -14 -10
p-channel metall field inversion -14 | -10
n-diffusion to substrate junction breakdown 14 16
p-diffusion to well breakdown 15 18
n-Well to p-substrate junction breakdown 50 90

A.1.2 N-Channel SPICE Models

This section describes the level 2 and BSIM SPICE models and shows characteristics
These models are located in the file spice.inf in

for various-sized devices.
CALASI5S\CN20.

.MODEL CMOSN NMOS LEVEL=2
+PHI1=0.600000 TOX=4.3500E-08 XJ=0.200000U TPG=1

+ VT0=0.8756 DELTA=8.5650E+00 LD=2.3950E-07 KP=4.5494E-05

+ UO=573.1 UEXP=1.5920E-01 UCRIT=5.9160E+04 RSH=1.0310E+01
+ GAMMA=0.4179 NSUB=3.3160E+15 NFS=8.1800E+12 VMAX=6.0280E+04
+ LAMBDA=2.9330E-02 CGDO=2.8518E-10 CGS0=2.8518E-10

+ CGBO=4.0921E-10 CJ=1.0375E-04 MJ=0.6604 CJSW=2.1694E-10
+ MJSW=0.178543 PB=0.800000

.MODEL CMOSNB NMOS LEVEL=4

+vib= -9.73820E-01
+phi=  7.46556E-01
+k1= 1.49134E+00
+k2= 3.15199E-01
+eta= -1,19300E-02
+muz= 5.98328E+02
+u0= 5.27788E-02,
+ul= 1.09730E-01

+x2mz=7.18857E+00
+x2e= -3.00000E-03
+x3e= 3.71969E-04
+x2u0= 1.30153E-03
+Xx2u1= -2.04836E-02
+mus= 7.79064E+02
+Xx2ms=-2.65485E+00
+x3ms=1.18139E+01
© +X3ul= 2.12924E-02
+tox=4.35000E-002
+cgdo= 3.79886E-010

Ivfb=  3.67458E-01
Iphi=  -1.92454E-24
k1= -4.98139E-01
k2=  -6.95350E-02
leta=  5.44713E-02
dl= 6.38067E-001
lub=  4.85686E-02
lul=  7.28376E-01
x2mz= -2.47335E+00
IxX2e= -7.20276E-03
Ix3e= -3.16123E-03

Ix2u0= 3.81838E-04
Ix2u1= 3.48053E-02
Imus= 3.62270E+02
Ix2ms= 3.68637E+01
Ix3ms= 7.24951E+01
Ix3ul= 5.85329E-02
temp= 2.70000E+01
cgso= 3.79886E-010

Table A.9 Field inversion and breakdown voltages.

wvfb= -4.72340E-02
wphi= 8.06093E-24

wki= 2.78225E-01

wk2= -1.40057E-01
weta= -2.67784E-02
dw=  1.35520E-001
wul= -8.55329E-02
wul= -4,22283E-01

wx2mz=7.12327E+01
wx2e= -5.57093E-03
wx3e= -3.80806E-03
wx2u0=2.53131E-02
wx2u1=4.44747E-02
wmus= -2.71207E+02
wx2ms=1.12899E+02
wx3ms=-5.25361E+01
wx3u1=-5.29634E-02
vdd=  5.00000E+00
cgbo= 3.78415E-010
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860 Orbit's CN20 Process
+xpart= 1.00000E+000
+n0=  1.00000E+000 InO= 0.00000E+000 wnO= 0.00000E+000
+nb= 0.00000E+000 Inb= 0.00000E+000 wnb= 0.00000E+000
+nd=  0.00000E+000 Ind= 0.00000E+000 wnd= 0.00000E+000

+1sh=27.9 ¢j=1.037500e-04 cjsw=2.169400e-10 js=1.000000e-08 pb=0.8
+pbsw=0.8 mj=0.66036 mjsw=0.178543 wdf=0 dell=0
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Figure A.1 Characteristics of an n-channel MOSFET with L =2 pm W= 3 um.
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Figure A.2 Characteristics of an n-channel MOSFET with L = 10 pm W= 10 um.
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Figure A.3 Characteristics of an n-channel MOSFET with L = § pm W= 200 um.

A.1.3 P-Channel SPICE Models

This section describes the level 2 and BSIM SPICE models and shows characteristics
These models are located in the file spice.inf in

for various-sized devices.

C:\LASIS\CN20.

.MODEL CMOSP PMOS LEVEL=2
+PHI=0.600000 TOX=4.3500E-08 XJ=0.200000U TPG=-1
+ VTO=-0.8889 DELTA=4.8720E+00 LD=2.9230E-07 KP=1.5035E-05

+ UO=189.4 UEXP=2.7910E-01 UCRIT=9.5670E+04 RSH=1.8180E+01

1.0v 20v 3ov

v
o ID(1) vas

40V

+ GAMMA=0.7327 NSUB=1.0190E+16 NFS=6.1500E+12 VMAX=9.9990E+05
+ LAMBDA=4.2290E-02 CGDO=3.4805E-10 CGS0O=3.4805E-10

+ CGBO=4.0305E-10 CJ=3.2456E-04 MJ=0.6044 CJSW=2.5430E-10
+ MJSW=0.244194 PB=0.800000

* Weff = Wdrawn - Delta_ W

* The suggested Delta_W is -3.6560E-07

.MODEL CMOSPB PMOS LEVEL=4

+vib= -2.65334E-01
+phi= 6.75823E-01
+ki= 5.68962E-01
+k2=  -5.52938E-02
+eta= -1.51784E-02
+muz= 2.10669E+02
+u0=  1.04713E-01
+ul=  1.46638E-02
+X2mz=8.76354E+00
+x2e= -2.13631E-03

b= 6.50066E-02
Iphi=  -1.61406E-24
lk1=  3.88845E-02
k2=  1.17906E-01
leta=  5.87976E-02
di= 8.44240E-001
lub=  5.50950E-02
lul=  2.13581E-01
IxX2mz= -3.64793E+00
IxX2e= -2.94140E-03

wvfb= 1.48093E-01

wphi= 8.03764E-24

wki= -5.33948E-02
wk2= -6.89149E-02
weta= -7.51570E-04
dw=  1.62551E-001
wul0= -7.56659E-02
wuil= -1.22509E-01

wx2mz=4.30934E+00
wx2e= -2.48293E-03

5.0
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+x3e= 2.78813E-04 Ix3e= -1.60711E-03 wx3e= -4.57237E-03
+x2u0= 3.93706E-03  Ix2u0= -5.66051E-04 wx2u0=5.69621E-04
+x2ul= 1.07707E-04 Ix2ul= 8.85125E-03 wx2ul=1.71537E-03
+mus= 2.06464E+02 Imus= 1.39151E+02 wmus= -4.95671E+01
+X2ms=5.86401E+00 Ix2ms= 6.98887E+00, wx2ms=5.55782E+00

+x3ms=-2.03430E-01
+x3ui=-1.17893E-02

Ix3ms= 1.16170E+01
Ix3ul= 5.72098E-04

wx3ms=-3.44342E+00
wx3u1=8.29791E-03

+tox= 4.35000E-002 temp= 2.70000E+01 vdd= 5.00000E+00
+cgdo= 5.02635E-010 cgso= 5.02635E-010 cgbo= 3.85017E-010
+xpart= 1.00000E+000

+n0=  1.00000E+000 InO=  0.00000E+000 wnO= 0.00000E+000
+nb=  0.00000E+000 Inb=  0.00000E+000 wnb= 0.00000E+000
+nd= 0.00000E+000 Ind=  0.00000E+000 wnd= 0.00000E+000

+rsh=54.7 ¢j=3.245600e-04 cjsw=2.543000e-10 js=1.000000e-08 pb=0.8
+pbsw=0.8 mj=0.60438 mjsw=0.244194 wdf=0 dell=0
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Figure A.4 Characteristics of a p-channel MOSFET with L =2 um W= 3 pum.

A.2 Hand Calculations

In this section we look at hand calculations using the BSIM model parameters.
A.2.1 The N-channel MOSFET Equations
DC Equations

For the n-channel MOSFET to be in the saturation region
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Figure A.5 Characteristics of a p-channel MOSFET with L = 10 pm W = 10 pm.
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Figure A.6 Characteristics of a p-channel MOSFET with L =5 pm W= 200 pm.
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864 Orbit's CN20 Process

Vps 2 Vgs — Vran (A.1)
The drain current, assuming A = 0, is then given by
I =B (Vos = Vim)®
D= '2-( s = Vran) (A2)
where [ is called the transconductance parameter and is given by
p=kp. ¥ (A3)
L
When the MOSFET is in the linear or triode region
Vps < Vgs— Vran (A.4)
and
Vbs
Ip =B| (Vgs = Vrun) Vps — . (A.5)

At the border between the saturation and triode regions

Vs = Vas — Vran = Vps,sar (A.6)
The drain current at V; , is called I, . The drain current of the n-channel MOSFET

operating in the saturation region, including the effects of channel length modulation
and mobility modulation, is given by

Ip= %(VGS = Vaw)*[1+ Me + Am)(Vs = Vissar)] for Vs = Vas — Vi (A7)

Normally, the channel length and mobility modulation parameters A, and A, are
combined into a single parameter, A. This single parameter is determined empirically
for a given MOSFET channel length. For the CN20 process, using device lengths in
excess of 5 pum results in a A of approximately 0.06 V !, Based on the results of Figs.
A.1 through A.3, A has a strong dependence on V.

Calculation of V., and KP Using the BSIM Model Parameters

The threshold voltage of the n-channel MOSFET, V,,,, as a function of the source to
substrate potential, Vg, , using the BSIM model parameters, is given by

Vrun = VFB+ PHI+K1 - JPHI+Vsg —K2 - (PHI + Vsg) (A.8)

or using the n-channel BSIM model parameters of the previous section and assuming
that Vg, = O results in

Vran =0.83 V (A.9)

The oxide capacitance per unit area, using the oxide dielectric constant of Table A.2
and the oxide thickness from the BSIM model parameters, is given by
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-
Cox"

€ox _ 35.13 aF/um aF
TOX ~ 00435 pm ~ 000 2 (A.10)

The transconductance parameter, KP, for the n-channel MOSFET is then approximated
by

2 8 2
KP=MUZ-C!, =338 cm? 10 km ,800%1::50_;5‘2; (A1)
V-s cm wm

Small-Signal Parameters

The small-signal transconductance of a MOSFET, in terms of the MOSFET's DC
operating point, is given by

gm=PB(Ves ~Vran) = | 2BIp (A.12)
when the MOSFET is operating in the strong inversion (square law) region and
_In
&m= Vr (A.13)

for a MOSFET operating in the subthreshold region. The body transconductance due to
the threshold voltage changing with variations in the source to substrate voltage is given

by
Emb=8&m M (A.14)
where

n=—==XL___x (A.15)

2,/ PHI + Ve
For large V, the small-signal parameter 1 can be negative. When this occurs, we will
assume g,, is 0. This is equivalent to saying that the threshold voltage, V,,, , doesn't
change significantly for small AC signals varying around a large substrate-body
potential. A review of Figs. A.1 to A.3 shows that indeed the threshold voltage
approaches a constant with increasing V.

The small-signal output resistance is calculated using

=L
Mp

Normally, the value of A is strongly dependent on the drain-source voltage of the
MOSFET. (See plots of the MOSFET output resistance in Figs. A.1 to A.3.) For
MOSFETs with lengths in excess of 5 pum, a A of 0.06 V™' is a good approximation.

A.2.2 The P-channel MOSFET Equations
DC Equations

(A.16)

Yo

Note that in this text we have assumed that the threshold voltages of both the p- and the
n-channel MOSFETs are positive. Also, all voltages and currents that describe the
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866 Orbit's CN20 Process

operation of the p-channel MOSFET in the following discussion are positive. For the
p-channel MOSFET to be in the saturation region

Vsp 2 Vsc — Vrap (A.17)
The drain current of the p-channel MOSFET, assuming A = 0, is given by
_B 2
Ip= E(VSG — Vrap) (A.18)
with
p=kp. % (A.19)
L
For the p-channel MOSFET to operate in the triode region
Vsp < Vs~ Vrap (A.20)
and the drain current is given by
V2
Ip=B| (Vs - VTHP)VSD"—‘;'D_] (A.21)

Calculation of V,,, and KP Using the BSIM Model Parameters
The threshold voltage of the p-channel MOSFET is calculated using
Vrup = VFB+PHI+ K1 |PHI+Vps — K2 - (PHI + V3s) (A.22)

Or using the BSIM model parameters of the previous section for the p-channel
MOSFET with V. = 0 results in

Vrup =091V (A.23)
The transconductance parameter, KP, for the p-channel MOSFET is given by
A
KP=MUZ-Cl, =17 &5 (A.24)
Vv

Small-Signal Parameters

The small-signal transconductance of a p-channel MOSFET is given by

gn = PB(Vsc —Vrup) = ‘/EEI; (A.25)
while the body transconductance is given by _
gmb=8&m M (A.26)
with
n= —A (A.27)

21/PHI+ Vs
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Again g, , is assumed O when m becomes negative. The output resistance of the
p-channel MOSFET is calculated using Eq. (A.16). A good approximation for A of the
p-channel MOSFET with device lengths in excess of 5 um is also 0.06 V.

A.3 Design Rules

The design rules presented in this appendix are a simplified, and thus more limited,
version of the actual design rules specified by Orbit. The Design Rule Checker,
LASIDRC, together with the check file "cn20.drc" are used to check layouts with these
simplified design rules. The setups have been used successfully on student chip design
and research projects at the University of Idaho for several years. The technology is
specified to MOSIS as "FORESIGHT-CN20."

PTbase
metal2 overglass pt
/ ~
contact metall via
= -
n-well polyl poly2

Figure A.7 Layer information, fill, and outline.
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868 Orbit's CN20 Process

microns check#
1.1 WIDTH 3.0 1
1.2 SPACE 9.0 2

—p 1.1

2>

1. N-WELL

Figure A.8 N-well design rules, the check number corresponding to the check number used

with LASIDRC.
microns check #
2.4 HIDTH 3.0 3
2.2 AGTIVE TO AGTIVE 3.0 4
2.3 N+ ACTIVE TO N-HELL 7.0 5
2.4 P+ UB. CONTACT TO N-MELL 4.0 8
2.5 N-MELL TO N+ WELL TIE DOWN 0.0 7
2.6 N-MELL OVERLAP OF P+ ACTIVE 3.0 8

2. ACTIVE
(P+, N+)

Figure A.9 Active design rules.
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3.1 WIDTH 2.0 3

3.2 SPACE 3.0 10
3.3 GATE OVERLAP OF ACTIVE 2.0 11
3.4 ACTIVE OVERLAP GF GATE 3.0 3
3.5 FIELD POLYL TO ACTIVE 1.0 not tested

M35

3. POLYI1

Figure A.10 Polyl design rules.

microns check#
4.1 WIDTH 3.0 12
4.2 SPACE 3.0 13
4.3 POLY! OVERLAP OF POLY2 2.0 14
4.4 SPACE TO ACTIVE OR WELL EDGE 2.0 15
4.5 SPACE TO POLY1 CONTACT 3.0 16

4.3

4. POLYZ2

Figure A.11 Poly2 design rules.
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870 Orbit's CN20 Process
microns check®
5.1 CONTACT SIZE (EXACTLY) 2%2 17
5.2 SPACING 2.0 18
5.3 POLY OVERLAP 2.0 13
5.4 ACTIVE OVERLAP 2.0 20
5.5 POLY CONTACT TO ACTIVE EDGE 3.0 21
5.6 ACTIVE CONTACT TO GATE 3.0 22
5. CONTACT
Figure A.12 Contact design rules.
microns check®
6.1 WIDTH 3.0 23
6.2 SPACING 3.0 24
6.3 OVERLAP OF CONTACT 1.0 25
6.4 OVERLAP OF VIA 2.0 26
M 6.3
N v
4 6.2
IR IRRR
6.1 I\ SR *
SRS
6.4

Figure A.13 Metall design rules.
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micrans check#
7.1 SPACE TO CONTACT 2.0 27
7.2 SIZE (EXCEPT FOR PADS) 2.0x2.0 28
7.9 SPACING 3.0 29

active or poly

-

/. VIA

Figure A.14 Via design rules.

microns check#
8.1 WIDTH 3.0 30
8.2 SPACE 3.0 31
8.3 METAL2 OVERLAP OF VIA 2.0 32
P 4.3
. 4
8.1 .

2

e

8. METAL 2

Figure A.15 Metal2 design rules.
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872 Orbit's CN20 Process

microns check?®
9.1 MAXIMUM PAD OPENING IN A 100X100
miecran METAL PAD (OVERGLASS) 90x30 not tested
S.2 METAL1 AND METAL2 PAD SIZE 100x100  not tested
3.3 MINIMUM PAD METAL TO PAD METAL
SEPARATION 75 not teated

>
K2

X
%

XK

&

vava'e
50

R
TEL

SR

i

RRRRHRLLLLS

K2
>

0

5

&

RRHAINIANXH X
9
R

P

Figure A.16 Pad design rules.

micrana check#
10,1 P-BASE ACTIVE TO N-WELL 5.0 33
10.2 COLLECTOR N+ ACTIVE TO
P-BASE ACTIVE 4.0 34
10.3 P-BASE ACTIVE OVERLAP OF
N+/P+ ACTIVE 4.0 35
10.4 P+ ACTIVE TO N+ ACTIVE 7.0 36

Emitter N+ active

P+ actjve ohmic cantsct
to the P-Baca
Collsetor N+ active :

10. P-BASE

Figure A.17 P-base design rules.
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Appendix

MOSIS Scalable Design Rules

This appendix describes graphically the MOSIS Scalable CMOS Design Rules [1]. The
design rule check file located in the CALASIS\MOSIS directory is called MOSIS.DRC.
The MOSIS design rules use a generic measurement parameter A (labeled "lam" in
LASI). Whether the final project is fabricated in a 0.5 pm process or a 2 um process is
transparent to the person doing layout (except for the pads, of course) until the * TLC
files generated with LASI are changed into a *.GDS file with the LASI utility
"TLC2GDS.exe" LASI (actually the setups provided with this book) uses 20 internal
units to 1 lam. The GDS units per physical unit should always be 1000.

The n+ (p+) layer is drawn using the MOSIS setups with two layers: active and
n-select (p-select). For example, if we want an n+ square measuring 10 A by 10 A, we
draw a box, on the active layer, measuring 10 A by 10 A (this defines the openings in the
FOX). Around this active box we draw another box on the n-select layer that is at least
2 A away from the active box. That is, we draw a box on the n-select layer that is at
least 14 A by 14 A on the same center as the 10 A by 10 A active box. The n-select
selects the active box as n+ (actually, the n-select layer specifies an n+ implant in the
areas defined by the n-select box).

Technology Specification

Reference [1] should be consulted prior to submitting a chip to MOSIS. The technology
specification and lambda depend on the process that the chip will be fabricated in. For
example, if we were to use the Orbit CN20 process described in Appendix A, we could
specify SCNA (Scalable CMOS N-well Analog) as the technology and a lambda of 1.0.

REFERENCE

1] J-1. Pi, "MOSIS Scalable CMOS Design Rules" The MOSIS Service, Information
Sciences Institute, University of Southern California, 4676 Admiralty Way,
Marina del Rey, CA. 90292, August 1, 1995.
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MOSIS Scalable Design Rules

LAYERS
cont 25
pads 26
puel 41
nuel] 42
acty 43
psel 44
nsal 45
poll 46
matl 48
vial 50
met2 51
ovgl 52
pol2 56
pbaa 58
cupl 59
viaZ 61
met3d 62

COMMENT
arcw 1
otin Z
achm 3
ntxt 4
cixt 5
dixt 6
pixt 7

sOm

HEOEBDBOOR.

[AEi:

Cantact

pads

p~uwell

n—well

actwe

pselect

nselect

poly 1

matal 1

vig connection batween metals 1 mand 2
matal 2

Overglegs ussd to cut openings For pads In top passlve
poly 2 {slactrade)

pbasa

cap wsll

Wa 2, metal 2 ta metal 3

matal 3

LAYERS

BEYEBEHODOER

Layer used to draw arraws In schamatlcs

Call gutline leyer

Gehematle layer wsed far draulng clrcult schametlcs
used to labael nades For LASI to SPICE llat. LASIZCIR
Labals contects sa LASIZ2CIR knous arder, 1.8. DG S
Glves device numbker, such sa M1, M55, elc

Used to apecify pert type, model slze ete

Figure B.1
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Appendix B

Lanbdas check»
1.1 WIDTH 10 1 g
1.2 WELLS AT DIFFERENT 9 2 O
PQTENTIAL, SPACING 107}
1.3 WELLS AT SAME 0or 6 not testad s
POTENTIAL, SPACING N
1.4 WELLS OF DIFFERENT 0 3

TYPE, BPACING
{IF BOTH ARE ORAWN)

) 12 = a3

1. WELL

Figure B.2

Lambdes check#

2.1 MINIMUM WIDTH 3 4
2.2 MINIMUM SPACING 3 3

2.3 SOURCE/DRAIN ACTIVE TO 5 not tested
WELL EDGE

2.4 SUBSTRATE/WELL CONTACT 3 not tested
ACTIVE T0 WELL EDGE

2.5 MINIMUM SPACING BETWEEN Qor 4 =
ACTIVE OF DIFFERENT IMPLANT

2.2 2.5

O K

2.1

SISO

2.:*
2
L

22 25

2.1

L

2. ACTIVE

Figure B.3

3 2.4 P- Reglan
2.4 N- Region
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Lambdas
3.1 MINIMUM WIDTH 2
3.2 MINIMUM SPACING 2
3.3 MINIMUM GATE EXTENSION OF 2
ACTIVE
3.4 MINIMUM ACTIVE EXTENSION 3
OF POLY1
3.5 MINIMUM FIELD POLY TO ACTIVE 1
3.5
Figure B.4
Lambdas
4,1 MINIMUM SELECT SPACING TO CHANNEL 3
OF TRANSISTOR TO ENSURE ADEQUATE
SOURCE/DRAIN WIDTH
4.2 MINIMUM SELECT OVERLAP OF ACTIVE 2
4.3 MINIMUM SELECT OVERLAP OF CONTACT 1
4.4 MINIMUM SELECT WIDTH AND SPACING 2

(NOTE: P-salsct snd N-solact mny bx
colncldent hut muit not overlap)

__,“‘__43 R

4.3__N T
I

f o e e e e ——————————————

L LE
- T

4, SELECT

Figure B.5

check#

7

not tested

checke

not tested

10

1

12

SISO

SISO
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l.ambdas check#
5.1 EXACT CONTACT SIZE 2x2 13 g
5.2 MINIMUM POLY1 OVERLAP 1.5 14 ZJ
N
5.3 MINIMUM CONTACT SPACING 2 . 15
5.3
__N K__
i 5.2
__H K__
S.1
5. CONTACT TO POLY!1
Figure B.6
Lambdas check+
6.1 EXACT CONTACT SIZE 2x2 bic] g
6.2 MINIMUM ACTIVE OVERLAP 1.5 i6 O
0]
Jomed
6.3 MINIMUM CONTACT SPACING 2 15 N
S.4 MINIMUM SPACING TO GATE OF 2 17

TRANSISTOR

6.CONTACT TO ACTIVE

Figure B.7
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878 MOSIS Scalable Design Rules

Lanbdas chack#
7.4 MININUM WIDTH 3 18 g
7.2 MINIMUM SPACING 3 19 O
)
7.3 HININUM OVERLAP OF POLY 1 20 poes|
CONTACT N
7.4 MININUM OVERLAP OF ACTIVE 1 20
CONTACT

7. METALL
Figure B.8
Lambdas ehack#
8.1 EXACT SIZE 2x2 21
8.2 MINIMUM VIAL SPACING 3 22 g
8.3 MINIMUM OVERLAP BY METALL 1 23 a
8.4 MININUM SPACING TO CONTACT 2 24 a
8.5 MINIMUM SPACING TO POLY OR 2 25

ACTIVE EDGE

T

¥
B.2

8. VIAL

Figure B.9
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Lsmbdas check#
9,1 MINIMUM WIDTH 3 26 Z
9.2 MINIMUM SPACING 4 7 O
0]
Jem|
9,3 MINIMUM QVERLAP OF VIAL L 28 0]
v Z ; 9.1
% % 50
Figure B.10
um check#
10.1 MINIMUM BONDING PAD WIDTH 100x100 not teatsd
10.2 MINIMUM PROBE PAD WIDTH 75x75 not tested g
10.3 PAD OVERLAP OF GLASS OPENING 6 not testod 8
e
10.4 MINIMUM PAD SPACING TO 30 not tested w2
UNRELATED METALZ
10.5 MINIMUM PAD SPAGING TO 15 not tested

UNRELATED METALL, POLY,
ELECTRODE OR ACTIVE

10.3

10. OVERGLASS

Figure B.11
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Lambdas check»
11.1 MINIMUM HIDTH 3 not testad
11.2 MINIMUM SPAGING 3 29 g
11.3 MINIMUM POLY1 OVERLAP 2 not tesied m
g
11.4 MINIMUM SPACING TO ACTIVE OR 2 30 m
WELL EDGE
11,5 MINIMUM SPACING TO POLY1 3 3.
CONTACT

11, POLYZ2
Figure B.12
Lambdas chacke

12.1 MINIMUM WIDTH 2 nat tastad
12.2 MINIMUM SPACING 3 29 g
12.3 MINIMUM POLY2 GATE 2 a2 Qo

OVERLAP OF AGTIVE 97
12.4 MINIMUM SPACING TO ACTIVE i not testad a
12.5 MINIMUM SPACING OR OVERLAP 2 not testad

OF POLY1
12.5 MINIMUM SPAGING TO POLY1 OR 3 a1

ACTIVE CONTACT

L
12.4 Y

12

—
3

12. ELECTRODE FOR TRANSISTOR

Figure B.13
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Lambdas check#
13.1 EXACT CONTACT SIZE 2x2 13
13,2 MINIMUM CONTACT SPACING 2 15 z
13.3 MINIMUM ELECTRODE OVERLAP 3 33 m
{on capacitor) ]
13.4 MINIMUM ELECTRODE OVERLAP 2 34 »
{not on capacitor)
13.5 MINIMUM SPACING TO POLY1 OR 3 not toatad

ACTIVE

13.5 13.5

13. ELECTRODE CONTACT, ANALOG OPTION

Figure B.14
Lambdas check#

14.1 EXACT SIZE 2x2 35 g
14.2 MINIMUM SPACING 3 a6 o

&
14,3 MINIMUM OVERLAP BY METAL2 1 37 7
14.4 MINIMUM SPACING TO VIAt 2 38

14.1 4.4
S A
14.3

14.1

-
f

i

==
14.2 ﬁ

14. VIAZ

Figure B.15
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MOSIS Scalable Design Rules

15.2i

15.1 MINIMUM WIDTH

15.2 MINIMUM SPACING TGO METAL3

15.3 MINIMUM OVERLAP OF VIA2

Lambdes check#
6 39
4 40
2 41

=

15. METALS

Figure B.16

16.1 ALL ACTIVE CONTACT
152 gmlmn SELECT OVERLAP OF EMITTER
i

16.3 MINIMJM PBASE OVERLAP OF EMITTER
SELECT

164 MINIMUM SPAGING BETUEEN EMITTER
SELECT AND PASE SELECT

165 MINIMUM PBASE OVERLAP OF BASE
SELECT

186 MINIMJM SELECT OVERLAP OF BASE
CONTACT

16.7 MINIMIM NAELL OVERLAP OF PBASE

16.8 MINIMJM SPACING BETUEEN PBASE AND
GOLLECTOR ACTIVE

18.8 MINIMUM ACTIVE OVERLAP OF COLLECTOR
CONTACT

16.10 MINIMUM NMELL. OMERLAP OF GOLLECTOR

ACTIVE

16 .41 MININUM SELECT OVERLAP OF
COLLECTOR ACTIMVE

16.10 163

LB

PR SR :
168 161 166

I 15.1

15.3

Lankdog chackes

[
X
LM

R R - B T SR A S Y

13
42
43
44
45
45
47
48

SISO

not teetad
not testad
10

16. NPN BIPOLAR TRANSISTOR

Figure B.17

SISO
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Lambdas
17.1 MINIMUM WIDTH 10
17.2 MINIMUM SPACING 9
17.3 MINIMUM SPACING TG EXTERNAL 5
ACTIVE
17.4 HINIMUM OVERLAP OF ACTIVE 3

Figure B.18

chacke

49

50

S1

52

SISOIN
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Appendix

HP's CMOS14TB

This appendix gives SPICE and process information for Hewlett-Packard's 0.5 pum
triple-metal, n-well process (CMOS14TB) which, in addition to the CN20 process
described in Appendix A, is used throughout the text. Since this is a triple-metal
process, the construction of the pads is somewhat different than that described for the
double-metal processes. MOSIS and HP should be contacted for complete up-to-date
information (layout and electrical) on this process prior to designing or submitting a
chip for fabrication. Tables C1-C4 give basic electrical information for this process.

The MOSIS Scalable Design Rules given in Appendix B can be used for layout
with this process. Two different lambdas can be used, 0.3 pm and 0.35 pym. Using a
lambda of 0.3 um results in a minimum device length of 2A or 0.6 wm, while the
minimum width is 3A or 0.9 pm. If we subtract the lateral diffusion, DL (nominally 0.1
um), the effective channel length is 0.5 um. Using the effective channel length when
describing CMOS14TB results in a labeling of a "0.5 um process.” Some of the design
rules presented in Appendix B must be changed when using a lambda of 0.3 pym. For
example, the n-well width, rule 1.1, must be increased from 10 lambdas to 12 lambdas.
The technology specified to MOSIS when submitting a chip in the CMOS14TB process
using a lambda of 0.3 um with the modified design rules is "SCN_SUBM"
(Scalable-CMOS-N-well Sub-Micron).

To eliminate the need to modify the design rules in Appendix B, lambda can be
increased to 0.35 ym. Now the drawn length of a minimum-size device is 0.7 um.
However, at MOSIS, a bias is applied to the poly mask to reduce the size to 0.6 um.
Thus, when simulating a circuit using a minimum length MOSFET, we use 0.6 um
(whether we are using 0.3 or 0.35 ym for lambda), whereas when laying the MOSFET
out we use 2A or 0.7 um. The major benefit here is that we can use the setups given in
Appendix B and on the accompanying disk without modification for laying circuits out
in the 0.5 um CMOS14TB process. The technology specification when using a lambda
of 0.35 um is "SCN."
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N-channel device L, = 0.6 um Typ
Threshold voltage V., (V) 0.7
Gamma (V '?) 0.6
KP = (MUZ)(C",) (LA/V?) 170
DL (L,,=L,,,,—DL) (um) 0.06
DW (W, =W, —DW) (um) 0.35
Punchthrough voltage (V) 10
Ly (A/pm) 380

Table C.1
P-channel device L, = 0.6 um Typ
Threshold voltage V., (V) 0.9
Gamma (V ?) 0.5
KP = (MUZ)(C') (nA/V?) 50
DL (L,,=L,,,,— DL) (um) 0.09
DW (W, =W, . —DW) (um) 0.35
Punchthrough voltage (V) 10
[,.. (WA/um) 190

Table C.2

Sheet resistance ({2/square) Typ
P+ active 2
N+ active 2
Poly1 (silicided) 2
Metall 0.07
Metal2 0.07
Metal3 0.05

Table C.3
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Plate Cap. aF/um?
Typical
Poly1 to subs. (FOX) 91
Polyl to metall 58
Polyl to metal2 17
Polyl to metal3 10
Metall to substrate 42
Metall to metal2 36
Metall to metal3 14
Metal2 to substrate 20
Metal2 to metal3 33
Metal3 to substrate 15

Table C.4

Calculation of V,, and KP Using the BSIM Model Parameters

The level 3 and 4 (BSIM) model parameters for the n-channel MOSFET are shown
below and are located in the text file spice.inf in the C:\LASIS\CN20 directory.

* Level 3 SPICE model for CMOS14TB 0.5 um

.MODEL CMOSN5 NMOS LEVEL=3 PHI=0.700000

+ TOX=9.6000E-09 XJ=0.200000U TPG=1

+ VTO=0.7118 DELTA=2.3060E-01 LD=2.9830E-08 KP=1.8201E-04
+ UO=506.0 THETA=1.9090E-01 RSH=1.8940E+01 GAMMA=0.6051
+ NSUB=1.4270E+17 NFS=7.1500E+11 VMAX=2.4960E+05 ETA=2.5510E-02
+ KAPPA=1.8530E-01 CGD0O=9.0000E-11 CGS0O=9.0000E-11

+ CGBO=3.7295E-10 CJ=6.02E-04 MJ=0.805 CJSW=2.0E-11

+ MJSW=0.761 PB=0.99

* Weff = Wdrawn - Delta_ W

* The suggested Delta_W is 3.5700E-07

* Level 4 (BSIM) SPICE mode! for CMOS14TB 0.5 um
.MODEL CMOSNB5 NMOS LEVEL=4

+ vfb=-9.65360E-01
+ phi= 9.02436E-01

+ k1= 9.33674E-01
+ k2= 7.39228E-02
+ eta=-2.77969E-03
+ muz= 4.71133E+02
+ u0= 1.98427E-01
+ ul= 3.39403E-02
+ x2mz=1.25728E+01
+ x2e=-9.95217E-05

Ivib= 4.11254E-02
Iphi= 0.00000E+00
k1= -8.15872E-02
k2= 1.48295E-02
leta= 1.12296E-02
dl= 1.57937E-001
lu0= 1.54850E-01
lu1i= 3.59469E-02
Ix2mz=-1.24115E+01
Ix2e=-5.16949E-03

wvfb=-1.21737E-01
wphi= 0.00000E+00
wk1= 2.03526E-01
wk2= 5.89097E-02
weta= 1.25263E-03
dw= 4.09563E-001
wu0= -1.05429E-01
wu1=-5.00497E-03
wx2mz=1.77657E+01
wx2e= 2.83253E-03
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+ x3e=-4.27269E-04  Ix3e=-1.62632E-03 wx3e=-1.60797E-03
+ X2u0=-9.02747E-04 Ix2u0=-1.66946E-02  wx2u0=2.48458E-02
+ X2u1=-7.29822E-04 Ix2u1=2.38803E-03 wx2u1=-9.76918E-04
+ mus=5.36631E+02 Imus=2.18647E+01 wmus=4.43373E+00
+X2ms=5.97403E+00 Ix2ms=-7.67105E+00 wx2ms=2.19614E+01
+ Xx3ms=7.60054E+00 Ix3ms=4.73779E+00  wx3ms=2.59952E+00
+ x3u1=1.75532E-02 Ix3u1=-1.21628E-03  wx3u1=-5.95548E-04
+ tox=9.60000E-003  temp=2.70000E+01 vdd=3.30000E+00

+ cgdo=4.26077E-010 c¢gs0=4.26077E-010  cgbo=4.01709E-010
+ Xpart=1.00000E+000

+ n0=1.00000E+000  In0=0.00000E+000 wn0=0.00000E+000
+ nb=0.00000E+000  Inb=0.COOC0E+000 wnb=0.00000E+000
+ nd=0.00000E+000  Ind=0.00000E+000 wnd=0.00000E+000
+rsh=2 ¢j=6.02e-04 cjsw=2.0e-11 js=1e-08 pb=0.99

+ pbsw=0.99 mj=0.805 mjsw=0.761 wdf=0 dell=0

The threshold voltage of the n-channel MOSFET, V,,, , as a function of the
source to substrate potential, V,, using the BSIM model parameters, is given by

Vraw = VFB+PHI+ K1 - PHI+ Vsp ~ K2 - (PHI + Vsp) (C.1)
or using the values given in the BSIM model above
=-0.97+0.9+0.93- J0.9+ Vszg —0.0074 - (0.9 + Visz) (C2)
If Vo, = 0, then
Vv =080V (C.3)

The oxide capacitance per unit area using the oxide thickness from the BSIM model
parameters is given by

13 fF,
en _3513fFpum . fF 4

, i prerd =
Cox T0X  0.0096 um wm?

The transconductance parameter, KP,, for the n-channel MOSFET is then approximated
by

2 10%um? 3.7 fF A
471 cm*® Hgn ) — = 1749__2_ (C.5)
Hm Vv
The effective-digital resistance of the n-channel MOSFET in CMOS14TB is given by

_pr. 1 __VDD =3-3V‘um._1_z9k£2~p,m
Rn"‘Rn W Idrive'W 380HA W W (Cé)

For a minimum-size device (i.e., 0.9/0.6), the effective resistance of the MOSFET is 10

kQ. The process characteristic time constant for the n-channel MOSFET, using L,,..
is,

b= . /=
KP, =MUZ: Cl, = 2520 ——

Tn=RuCox=R. - L-Cly=9kQ(0.6) - (3.71F) =20ps (C.7)
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Calculation of Vi, and KP, Using the BSIM Model Parameters

The level 3 and 4 (BSIM) model parameters for the n-channel MOSFET are shown
below and are located in the text file spice.inf in the C:\LASIS\CN20 directory.

* Level 3 SPICE model for CMOS14TB 0.5 um

.MODEL CMOSP5 PMOS LEVEL=3 PHI=0.700000
+ TOX=9.6000E-09 XJ=0.200000U TPG=-1
+ VTO=-0.9016 DELTA=4.2020E-01 L.D=4.3860E-08 KP=4.1582E-05
+ UO=115.6 THETA=3.7990E-02 RSH=9.0910E-02 GAMMA=0.4496

+ NSUB=7.8780E+16 NFS=6.4990E+11 VMAX=2.3130E+05 ETA=2.8580E-02

+ KAPPA=9.9270E+00 CGDO=9.0000E-11 CGS0=9.0000E-11
+ CGBO=3.6835E-10 CJ=9.34E-04 MJ=0.491 CJSW=241E-10
+ MJSW=0.222 PB=0.90

* Weff = Wdrawn - Delta_ W

* The suggested Delta_W is 3.4860E-07

* Level 4 (BSIM) SPICE model for CMOS14TB 0.5 um
.MODEL CMOSPB5 PMOS LEVEL=4

+ vib=-2.80568E-01

+ phi=8.14689E-01

+ k1=4.52973E-01

+ k2=-9.42157E-03

+ eta=-7.03956E-03

+ muz=1.36047E+02
+ u0=1.93813E-01

+ u1=8.52399E-03

+ X2mz=7.96258E+00
+ Xx2e=4.37912E-04

+ X3e=-3.52725E-04
+ x2u0=1.18873E-02
+ X2u1=2.26591E-03
+ mus=1.44421E+02
+ Xx2ms=8.18970E+00
+ X3ms=7.29640E-01
+ x3u1=-3.51521E-03
+ tox=9.60000E-003
+ ¢gdo=5.01753E-010

+ xpart=1.00000E+000

+ n0=1.00000E+000
+ nb=0.00000E+000
+ nd=0.00000E+000

+rsh=2.1 j=9.34e-04 cjsw=2.41e-10
+ pbsw=0.90 mj=0.491

vfb=5.70163E-02
Iphi=0.00000E+00
lk1=-9.19899E-02
k2=-2.25562E-03
leta=1.92833E-02
dl=1.85988E-001
u0=6.02231E-02
lu1=2.60545E-02
Ix2mz=-2.15761E+00
IxX2e=-1.60046E-03
Ix3e=-4.09096E-04
Ix2u0=-4.81760E-03
Ix2u1=7.96828E-04
Imus=1.63665E+01
Ix2ms=-1.25158E+00
Ix8ms=1.15206E+00
Ix3u1=-3.12374E-03
temp=2.70000E+01
cgs0=5.01753E-010

In0=0.00000E+000
Inb=0.00000E+000
ind=0.00000E+000

wvfb=-6.17493E-02
wphi=0.00000E+00
wk1=1.20834E-01
wk2=3.13315E-02
weta=5.45445E-05
dw=4.32366E-001
wu0=-4.90734E-02
wu1=-6.34371E-03
wx2mz=2.30663E+00
wx2e=-3.86750E-04
wx3e=-2.53471E-03
wx2u0=8.80040E-03
wx2u1=-4.70527E-04
wmus=-7.31189E-01
wx2ms=3.62233E+00
wx3ms=1.02833E+00
wx3u1=3.48134E-03
vdd=3.30000E+00
cgbo=4.14187E-010

wn0=0.00000E+000
wnb=0.00000E+000
wnd=0.00000E+000

js=1e-08 pb=0.90
mjsw=0.222 wdf=0 dell=0

The threshold voltage of the p-channel MOSFET is calculated using
Vrup = VFB+PHI+K1 - [PHI+ Vs — K2 - (PHI+ V) (C.8)
or using the p-channel MOSFET BSIM model parameters of the previous section
=-0.28+0.81+0.45- J0.81 + Vzs —(~0.0094) - (0.81+Vps)  (C.9)
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If Vy =0, then
Vrap =094V (C.10)
The transconductance parameter, KP,, for the p-channel MOSFET is given by

136 cm? 10%um? 37fF _
2

A
KP,=MUZ Cl, = 50 %5 €11

Vs cm®  um
The effective digital resistance of the p-channel MOSFET in CMOS14TB is given by
;1 vpp _33V-pm 1 18kQ-pm

R Ry W= T W 190pA W~ W

(C.12)

The process characteristic time constant for the p-channel MOSFET is,
Tp =Ry Cox= R,’, -L-Cl,=18kQ-(0.6) - (3.7fF) = 40ps . (C.13)
SPICE Simulation Results

Figure C.1 shows a plot, for 2 minimum-size n-channel MOSFET 0.9/0.6, of the drain
current versus MOSFET V,; using the BSIM (level 4) and level 3 models. Note how the
level 3 model shows the drain current changing as the square of the gate-source voltage,
while the BSIM model shows the drain current changing linearly with V. This
difference is due to the short-channel effects as was discussed in Ch. 6. The drive
current of the n-channel MOSFET can be estimated using the data in this plot by

Ip(@ VDD) _ 200puA _  pA
W 09-04 =400 (.14

Larive =

) 400ud,
n Level 3 VGS = 3V
i

n

o 300uA

u

r

r

e

BSIM VGS = 3 V

£ 200ul]

level 3VGS =2V .

L00uA BSIM VGS = 2 V

+ ) &

1.5V 20V .« 25V 30V 3.5V
YDS

0A : .
ov 0.5V 1.0V
o [(VIMTRY) o [(VIMTR2)

Figure C.1 Curves for a 0.9/0.6 n-channel MOSFET fabricated in CMOS14TB.
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0A st o 3
ov 0.5V 1.0V 1.5V 2.0V 2.5V 3.0V 3.5V
a [(VIMTR1) o I(VIMTRR)

VSD

Figure C.2 Curves for a 0.9/0.6 p-channel MOSFET fabricated in CMOS14TB.

Figure C.2 shows the IV characteristics of a minimum-size p-channel MOSFET.

The drive current can be estimated using these results as

(C.15)

,  _In(@VDD)_ 80pA _ . pA
T T W 09-043 0 Hm
D 20uA
r
a
1
n
c 15uA
u
r
r
e
£ 10uA
SuA:
0A r . T
ov 0.5V 1.0V 1.5V 2.0V
o [D(M1)
VGS

Figure C.3 Curves for a 0.9/0.6 n-channel MOSFET fabricated in the CMOS14TB process.
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p 20uA
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o 15U
u
r
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e
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0.5v 1.0v 1.5V 2.0V
o ID(M1)
VSG

Figure C.4 Curves for a 0.9/0.6 p-channel MOSFET fabricated in the CMOS14TB process.

Figures C.3 and C.4 show how the body effect changes the threshold voltage of
the MOSFETs in the CMOS14TB process with substrate(well)/source nonzero voltage.

Planarization

Another important characteristic of the modern Deep-Submicron MOSFET' is that
planarization can be used to "flatten and level" the tops of the differing insulating layers
in the CMOS process. Chemical/mechanical polishing (CMP) is used for planarization.
The result is less variation between insulating layers and higher reliability. To help
with the planarization process, contacts and vias can be filled with metal (Fig. C.5).
This increases the reliability of the connections and reduces contact resistance.

Metal Metal

Figure C.5 Fig. 2.10 redrawn with filled contacts.

! "Deep" refers to the use of a deep ultra-violet light source with a wavelength, A, less than 0.3
um in conjunction with patterning (see Fig. 2.3).
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Abutting, 309
Accumulation, 84
Active-PI loop filter, 396
Active load, 489
Adaptive biasing, 699
ADC. See Analog-to-digital converter
Adder, 246, 285, 287
Aliasing. See Analog-to-digital converter
Amplifier, 489
adaptive biasing, 699
biasing, 502
cascode, 506
class A, 505,517
class AB, 505, 517
common gate, 500, 505
current source load, 500
distortion, 512
efficiency, 506
frequency response, 492
noise, 512, 515
noise figure (NF), 515
overshoot, 760
push-pull, 510
sense amp, 335, 338
single-stage, 490
slew-rate, 517
SNR, 515
source-follower, 499, 505
transimpedance, 496
Analog-to-digital converter, 755, 772
0.5 LSB, 769
aliasing, 778, 838
aperture error, 782
architectures, 813
binary search, 832
charge redistribution, 835
coarse conversion, 819
DFT, 782

differences of oversampling and Nyquist rate

converters, 838

differential nonlinearity (DNL), 774, 818, 827,
837

Discrete Fourier Transform, 782

fine conversion, 819

flash, 813

flash accuracy issues, 816

folding frequency, 780

gain error, 778

higher-order sigma-delta modulation, 846
integral nonlinearity (INL), 776, 817, 826, 837
least significant bit (LSB), 773

missing codes, 776

noise shaping, 842

Nyquist rate, 837

offset, 778

operational amplifier issues, 821
oversampling, 837

paralle], feed-forward, 818

pipeline, 823

pipeline accuracy issues, 825
pulse-density modulation, 838
quantization error, 774

quantization levels, 773

residue, 823

resolution versus oversampling, 847
sampling function, 779

SAR, 832

scale factor error, 778

sigma-delta modulation, 839
signal-to-noise ratio (SNR), 780
specifications, 772

successive approximation, 832
successive approximation accuracy issues, 837
successive approximation register, 832
transfer curve, 814

two-step, 818

two-step accuracy issues, 820

Analog models, 165

body transconductance, 168
high-frequency model, 171
low-frequency MOSFET model, 165
transconductance, 166

Analog signal:
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~ Index

characteristics of, 756
AOI logic, 243
Aperture error. See Sample-and-hold
ASIC, 3
Averaging circuit, 406

B

Bandgap voltage references, 477, 487, 488
Batteries, 518, 712
Battery, 369
BCD, 791
Bi-Phase, 407
BiCMOS, 314
CMOS to ECL translator, 329
comparison to other processes, 313
ECL to CMOS translator, 327
full-swing, 323
inverter, 320
NAND gate, 323
NOR gate, 323
Biquad, 641
BJT (bipolar junction transistor):
capacitances, 319
design rules, 316
Bloats, 27
Body effect, 113, 168, 523
Body transconductance, 865
Bonding pad, 45, 46
Bootstrapped inverter, 226
Bottom plate of cap., 726
Breakdown
oxide, 336
voltage, 44, 859
BSIM, 107, 170, 859
BSIM3, 124
comparison with level 2, 107
DC equations, 111
hand calculations, 862
lateral diffusion, 75
oxide encroachment, 75
subthreshold current, 117
Buffers, 216, 511, 660, 702
n-channel only, 225
Bulk CMOS process, 23
Bus, 291

C

C'ox, 85
Calma Stream Format, 5, 16
Capacitance, 171

bottom, 34

bottom and sidewall, 171

depletion, 33

n+ to p-sub, 79

sidewall, 34
Capacitances of the CN20 process, 856
Capacitive feedthrough, 721
Capacitor:

common centroid, 807

depletion, 33

formation with poly1/poly2, 131

layout, 736

other types, 134

parasitics, 132

undercutting, 806
Cascode amplifier, 506
Cascode differential amplifier, 602
Channel length modulation, 97
Charge injection, 720
Charge pump, 381
Chemical/mechanical polishing (CMP), 897
CIF, 15
Class AB differential amplifier, 596
Clock feedthrough, 719, 721
Clock generation, 399
Clock recovery circuit, 373

self-correcting, 412
Clock synchronization, 421
Clocked logic, 275, 281
CMOS, 3

passive elements, 131

scaling, 120

trends, 120

twin-tub, 23
CMRR, 591
CN20:

design rules, 867

electrical specifications, 857

oxide capacitance, 864

processes, 856
CN20 process, 855
Common-centroid, 137
Common-centroid layout, 595
Common gate amplifier, 500
Common-mode feedback (CMFB), 666, 674, 744
Communication system, 403
Comparators, 634, 685

block diagram, 686

characterizing, 691

clamped input stage, 694

clocked, 696

decision circuit, 687

dynamic, 748

gain and offset, 691

hysteresis, 688

improvements, 696
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input slew rate, 696
inverter based, 746
operation, 685
output buffer, 691
preamp, 686
propagation delay, 695
self-biased, 699
sensitivity, 718
transient response, 693
Compensation, 621
Composite, 150
Constant-gm diff-amp, 608
Contact resistance, 55, 858
Crosstalk, 56
Current differential amplifier, 607
Current source/sink, 427
biasing, 429, 431
cascode, 437
cascode connection, 433
design, 429
diode referenced, 470
dynamic, 748
excess gate voltage, 429, 430
floating, 661
layout, 444, 447, 449
matching, 446
mirror, 427
output resistance, 430, 434, 451, 452
regulated cascode, 451
self-biasing, 469
sensitivity, 438
SPICE statement, 446
subthreshold operation, 483
temperature coefficient, 439
thermal voltage referenced, 474
threshold voltage referenced, 469
transconductance multiplier, 480
transient response, 442
voltage output swing, 434
wide swing, 434, 455
Wilson mirror, 450
Current source load, 500, 582
Current starved VCO, 384

D

DAC. See Digital-to-analog converter
Data conversion:

signal characteristics, 755
DC sweep convergence, 128
Decoder, 341

tree, 341
Deep-Submicron MOSFET, 892
Delay elements, 419

Delay-locked loop, 417
Delay time, 189
Delta-sigma modulation. See Sigma-delta
modulation
Depletion, 85
Depletion capacitance, 33
Design rules, 867
Design verification, 149
DIBL, 123
Dielectric constants, 856
Differential amplifier, 579
cascode, 602
class AB, 597
common-mode range (CMR), 584, 599, 604,
605
common-mode rejection ratio (CMRR), 591
current, 701
current source load, 582, 599
gain, 587
low-voltage, 605
matching, 594
noise, 592
output resistance, 587
p-channel, 583
self-biased, 691, 699
slew-rate, 588, 602
source cross-coupled pair, 596
transconductance, 582
wide-swing, 605
Differential output op-amp, 664, 672, 705, 742
benefits, 742
simulating, 707
Differential to single-ended conversion, 711
Digital-to-analog converter, 756, 762
.5 LSB, 769
accuracy, 765
binary switch array, 792
binary-weighted capacitor array, 805
charge scaling, 805, 835
current source mismatch, 802
current steering, 800
cyclic, 810
decoder, 792
differential nonlinearity (DNL), 766, 795, 797,
803, 805
dynamic range, 772
full-scale voltage, 764
gain error, 770
input combinations, 763
integral nonlinearity (INL), 768, 795, 803, 805
latency, 770
least significant bit (LSB), 765
monotonicity, 767
most significant bit (MSB), 765
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nonmonotonic, 767
offset, 770
pipeline, 811
R-2R ladder, 797
reference voltage, 763
resistor string, 792
resistor string mismatch, 795
resolution, 765
settling time, 770
signal-to-noise ratio (SNR), 770
specifications, 762
split-array, 807
transfer curve, 764
Digital models, 185
Digital phase-locked loop, 373, 375
active-PI loop filter, 396
block diagram, 374
charge-pump, 382
lock range, 391
loop-filter, 391
PFD, 374, 382
PFD DPLL, 398
pull-in range, 391
tri-state output, 381
XOR DPLL, 391
XOR phase detector, 374
Digital signal:
characteristics of, 756
Diode, 32, 67,471
breakdown voltage, 44
drain-substrate, 276
SPICE modeling, 37
storage capacitance, 35
storage time, 37
Distortion, 506, 512, 529
Distortionless transmission, 403
DLL. See Delay locked loop
Domino logic, 283
Doublet, 678
Drain-induced barrier lowering, 123
DRAM charge sharing, 335
Drawn length, 71
Drawn width, 71, 75
DRC (design rule check), 30
Drive current, 123, 891
Drivers, 216
distributed, 221
DSL logic, 247
Dynamic circuits, 719
amplifiers, 750
charge injection, 748
clock feedthrough, 719
comparator, 746
current mirrors, 748

108, 748

KT/C noise, 748

logic, 275

00S, 748

reducing op-amp offset-voltage, 745

simulating, 277

storage capacitors, 748

switch, 719

switched-capacitor integrator, 731

switched-capacitor resistor, 728
Dynamic CMOS latch, 748
Dynamic logic, 275

domino logic, 283

PE logic, 282

E

Edge detection, 411

Effective channel length, 84

Effective switching resistance, 186

Efficiency, 506

Electrostatic discharge (ESD), 67
protection, 69

Epi layer, 23

Equalizer, 404

Excess gate voltage, 429

F

Feedback, 525
amplifier, 532
basic amplifier, 532
beta network, 534
BW extension, 528
closed-loop impedances, 540
closed-loop parameters, 539
determining signal path, 534
equivalent transcondance, 549, 551
forward path, 534
gain desensitivity, 527
gain margin, 567
input/output impedance control, 530
input mixing, 533
inversions around the loop, 534, 535
open-loop impedances, 538
open-loop parameters, 537
output sampling, 533
phase margin, 567
properties, 531
recognizing topologies, 532
reduction in nonlinear distortion, 529
rules for output sampling, 534
series-series, 537, 558, 562
series-shunt, 536, 540
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series mixing, 532
series sampling, 532
shunt-series, 536
shunt-shunt, 537, 547
shunt mixing, 532
shunt sampling, 532
stability, 564
using a gate-drain resistor, 555
Field inversion, 859
Filter, 641
switched capacitor, 739
Flatband voltage, 92
Flicker noise, 178
Flip-flops, 265
clocked, 266
data (D), 269, 271
edge triggered, 268
JK, 266
set-reset (SR), 265
timing, 269
Floating battery, 712
Floating current source, 518, 661
Floorplan, 290, 783
Folded-cascode, 654
Foresight design rules, 867
FOX (field oxide), 32,71
Frequency synthesis, 399
J;» unity current gain frequency, 174, 183

G

Gain-enhancement, 674

Gain margin, 567

Gamma, 92

GDS, 5, 16

GMIN, 277

GOX (gate oxide), 71

Gradual channel approximation, 119
Gray code, 791

Ground bounce, 56

Guard rings, 137, 215

H

Hand calculations, 862
Harmonic distortion, 513, 742
Hi-Z, 226, 252

Hierarchy, 20, 59

High-speed op-amp, 677
High-impedance node, 503
Hot-carrier effect, 120
HSPICE, 111

Hysteresis, 356, 688

I

I,..» 123,890
IGFET, 107
Inductance, 58
Input offset storage (I0S), 748
Instanced (or placed), 309
Interconnect burden, 307
Inverter, 201
BiCMOS, 320
bootstrapped, 226
buffer design, 216
dynamic power dissipation, 210
layout, 212
noise margins, 203
other configurations, 224
SPICE simulation, 203
switching characteristics, 205, 321
transfer characteristics, 202
tri-state output, 226

J

Jitter, 379, 415, 829
JS (BSIM current density), 276, 471

K

KP, 95
KT/C noise, 147, 723, 748

L

Lambda, 170, 447
channel length modulation, 115
mobility modulation, 115
LASIL
common problems, 14
cursor, 15
distance measurements, 10
frustration, 12
help, 6
invisible cells, 15
ranking cells, 9
schematics, 150
LASICKT, 149
header, 158
inputs, 157
starting, 157
LASIDRC, 30, 867
Latch, 281
Latch-up, 102, 212, 225
Lateral diffusion, 27, 75
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Layout:
adder, 298
binary-weighted capacitor array, 806
capacitor, 132, 141, 297, 736
capacitor bottom plate, 726
circle, 22
common-centroid, 137
D-FF, 298
hierarchy, 59
inverter, 212, 291
large MOSFETs, 102, 220
lateral npn, 316
MOSFET, 75,77, 102
MUX/DEMUX, 299
n-well resistor, 27
NAND and NOR gates, 235, 291
pad, 46
parasitic pnp, 470
power and ground, 295
resistor, 136
SR latch, 291
standard-cell, 291
standard-cell frame, 71, 215
stick diagram, 301
TG, 291
VLSI, 289
LDD, 120
Leakage, 471
Leakage, charge, 276, 277, 278, 280
Leakage current, 42
Level shifting, 710
Linear region, 98
Lock range, 391
LOCOS, 71
Low-impedance node, 503
Low voltage:
current mirror, 455
differential amplifiers, 605
op-amp, 661

M

Manchester NRZ, 407

Matching, 113, 137, 446
differential amplifier, 594
layout, 447

Memory, 331
cells, 332
DRAM, 332, 345
DRAM array, 333
DRAM mbit size, 347
DRAM timing, 343
EEPROM, 350, 352
EPROM, 350, 351

flash, 350, 352
folded bit line, 333, 347
organization, 331
PROM, 350
ROM, 350
SRAM, 332
Metal layers, 45
capacitive feedthrough, 53
parasitics, 50
Metal migration, 54
Miller's Theorem, 492, 493, 521
Mixed signal, 665, 742
MOSFET, 83
adjusting threshold voltage, 93
capacitances, 84, 87
channel length modulation, 97
depletion, 93
diode connected, 168
effective width, 75
S 183
IV characteristics, 93
output resistance, 129
overlap capacitances, 84
pinch-off, 96
punchthrough, 96
temperature effects, 175
threshold voltage, 88
MOSIS, 15, 45, 107, 149, 196, 867, 873, 885
Multipliers, 704
multiplying quad, 705
simulating, 707
squaring circuits, 715
Multivibrator circuits, 362
source coupled, 387
MUX/DEMUX, 261

N

N-select, 149, 878
NAND gate, 231
layout, 235
switching characteristics, 236
switching point voltage, 233
NMOS, 23
NMOS inverter, 224
Noise, 141, 178
1/f (flicker), 178
amplifier, 512
analysis, 141
differential amplifier, 592
KT/C, 147, 748
MOSFET, 178
phase, 417
procedure for noise analysis, 144
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substrate, 736
temperature, 516
thermal, 142, 178
Noise figure (NF), 515
Noise margins, 203
Noise temperature, 516
Nonoverlapping clocks, 279
NOR gate, 231
layout, 235
switching characteristics, 236
NPN, lateral, 314
model, 316
NRD and NRS, 102
Nyquist Criterion, 758

0]

Offset voltage, 595, 630, 632, 745
Ohmic region, 94
One-shot, 254, 362
Operational amplifiers, 617
block diagram, 617
cascode, 636
characterizing, 630
circuit for simulating open-loop gain, 623
CMFB circuit, 667
CMRR, 631
common-mode output voltage, 665
common-mode feedback circuit, 666
common-mode voltage temperature coefficient,
712,713
compensating with buffer, 649
compensation, 621
compensation capacitor, 625
differential output, 664, 707
folded-cascode, 654
gain, 618
gain accuracy in ADCs, 821
gain-enhancement, 674
high-gain, 675
high-speed, 675
layout of folded-cascode, 670
linearity, 822
low-voltage, 661
offset-voltage, 630, 745
OTA with buffer, 647
output stage, 620, 660
output voltage swing, 631
phase margin, 625
PSRR, 632, 654, 665
reducing offset-voltage, 745
RHP zero, 627
short-circuit protection, 620
slew-rate, 633

voltage regulator, 650
wide-swing, 642, 654
without slew-rate limitations, 634
Operational transconductance amplifier, 607, 637
Orbit Semiconductor, 855
Oscillator, 383
astable, 364
ring, 209
ring oscillator with enable, 369
Schmitt Trigger, 359
voltage-controlled, 361
OTA, 607
compensating with buffer, 649
compensation, 644
DC stability, 645
folded-cascode, 654
fully differential, 666
wide-swing, 642
Output buffer, 518, 660
Output offset storage (O0S), 748
Overglass layer, 46
Overlap capacitance, 84
Oxide-encroachment, 75
Oxide-nitride-oxide (ONO), 345
Oxide breakdown, 123, 336
Oxide capacitance, 85, 864
Oxide growth, 26

P

P-base, 314

P-select, 149, 878

Pad layer, 46

Parasitics, 3

Pass transistor, 255

Path selector, 260

Patterning, 24

PE logic, 282

Peak detector, 406

Phase-locked loop (PLL), 373

Phase detector, 375, 418

Phase frequency detector (PED), 379
characteristics, 381
gain, 382

Phase margin, 567

Physical constants, 855

Piecewise-linear, 159

Pinch-off, 96

Pipelining, 285

Pitch, 347

Planarization, 897

PMOS, 23

Poly, 65

Poly2, 131
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Polycide, 75

Power and ground, 295

Power conversion efficiency, 506

Power delay product (PDP), 211

Process characteristic time constant, 188

PSPICE, 40, 439, 441, 443, 466, 479
noise analysis, 144

PSRR, 632

PTAT, 475

Pull-in range, 391

Pulse-density modulation, 838

Pulse statement, 159

Pumps, 364

Punchthrough, 96

Push-pull amplifier, 510

R

Random offsets, 630
Ranking, 9
Ratioless shift register, 288
Receiver (digital), 424
References, 463
PTAT, 475
voltage and current, 463
Regularity, 290
Regulated cascode, 451
Reliability, 468
Resistance:
looking into the drain, 497
looking into the source, 498
sheet, 858
Resistor, 27
delay through, 39
n+, 78
n-well, 24, 32, 792
sheet resistance, 31
switched-capacitor, 728
TC, See Temperature Coefficient

Temperature Coefficient (n-well), 134, 441

Reticle, 26, 736

RHP zero, 627

Ring oscillator, 209

Ringing, 175

Routing, 309

ROX (recessed oxide), 32, 71

S

S/H. See Sample-and-hold
Sample-and-hold, 724, 759
acquisition time, 760
aperture error, 761
aperture jitter, 761

aperture uncertainty, 761
droop, 761
gain error, 760
hold mode, 761
linearity, 761
offset, 760
overshoot, 760
sample mode, 760
sampling error, 761
settling time, 760
Scale current, 276
Schmitt trigger, 355, 370
applications, 359
oscillator, 359
Schottky diode, 66
Scope probe, 196
Self-biased diff-amp, 691
Self-biasing, 469
startup circuit, 470
Self-correcting clock, 412
Sense amplifier, 335, 338
Sensitivity analysis, 438
voltage divider, 465
Series connection of MOSFETs, 192
delay, 194
Settling time, 678, 726, 741
Sheet resistance, 31, 858
Shift register, 279
Short channel, 119
Sigma-delta modulation, 839
first-order, 840
higher order, 846
noise shaping, 842, 846
resolution versus oversampling, 847
Silicide, 75
Single-ended to differential conversion, 711, 753
Single-ended to differential converter, 670
Slew rate, 517, 588, 633, 702, 742
Small-signal models, 167
Small-signal parameters, 865
SNR (signal to noise ratio), 515
Source coupled multivibrators, 387
Source coupled VCO, 387
Source follower, 499, 505
body effect, 522
SPICE, 98, 149, 158, 163
ABSTOL, 277, 279, 663
BSIM, 859
common mistakes, 127
diode breakdown voltage, 44
diode model, 473
diode modeling, 37
distortion, 513
GMIN, 277, 278
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LASICKT, 149
level 2, 98, 859
noise analysis, 144
operating point analysis, 130
pulse statement, 159
RELTOL, 277
sensitivity analysis, 438
simulating dynamic circuits, 277
VNTOL, 277
SPICE problems, 127, 239, 644
.NODESET, 476
common mistakes, 127
DC sweep, 476
transient, 590
Squaring circuits, 715
Stability, 564, 621
Standard-Cell, 291, 311
Startup circuit, 470
Static logic, 231
Stepper, 26
Stick diagram, 301
Storage node, 275
Strong inversion, 86
Student projects, 196
Substrate, 23
Substrate pump, 364
Subthreshold:
current, 117, 166
current source/sink, 483
output resistance, 117
transconductance, 167, 865
Switch logic:
CSVL, 247
DVSL, 247
Switched capacitor:
capacitor layout, 736
filter, 733
integrator, 731
ladder filter, 739
resistor, 728
slew-rate requirements, 754
Systematic offsets, 630

T

Temperature coefficient:
bandgap, 479
diode, 473
diode self-biasing, 473
MOSFET voltage divider, 465
resistor-MOSFET divider, 464
thermal voltage self-biasing, 476
threshold voltage, 465
transconductance multiplier, 480

Temperature effects, 175
bandgap, 175
capacitor, 134, 140
KP, 176, 440
MOSFETs, 175
threshold voltage, 175
TG (transmission gate), 255
Thermal runaway, 176
Thermal voltage, 33, 471, 856
Thermometer code, 791, 800, 813
Threshold voltage, 88
matching, 446
Timing errors, 404
TLC files, 5
Total harmonic distortion, 513
Transconductance, 167, 865
variation with frequency, 173
Transconductance parameter, 95, 864
Transconductor-C Filters, 641
Transimpedance amplifier, 496
Transmission gate, 255, 281
applications, 260
delay through, 258
layout, 258
static gates, 264
Triode region, 94, 98, 171, 864
channel resistance, 171
Tri-state buffer, 252
Tri-state phase detector output, 381
Two's complement, 791

\%

Velocity saturation, 120
VLSI, 289
Voltage coefficient, 134
resistor, 134
Voltage controlled oscillator (VCO), 374, 383, 420
characteristics, 383
current starved, 384
for use with the PFD, 383
logic based, 391
source coupled, 387
use with XOR phase detector, 379
Voltage dividers, 463
Voltage follower, 702
Voltage generators, 364
example, 368
higher voltages, 367
Voltage reference, 478
bandgap, 477
transconductance multiplier, 481
Voltage regulator, 650
V. (thermal voltage), 856
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W

Wafer, 5
Weak inversion, 119
Wide-swing diff-amp, 606

X

XOR gate, 245, 264, 311
XOR phase detector, 375
characteristics, 377

gain, 378

Y
Yield, 289

Z

Zero-nulling resistor, 627
Zipper logic, 285
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LASI Software

If a floppy disk is not included with this text, the LASI software can be
downloaded from the Internet at:

http://www.mrc.uidaho.edu/visi/cad_free.html

Hardware Requirements

LAST software will run in some configuration on almost any IBM compatible
computer with a 386 or higher. You need 4 Mbytes of memory, a hard disk
drive, VGA video, and a mouse. For small to medium layouts, a 386 or 486
CPU will be adequate. For larger layouts, a Pentium with PCI bus is
recommended.

Software Contents and Installation

Whether downloaded from the Internet, or on floppy disk, you should have the
following files:

¢ 2INSTALL.EXE: Installation program.

¢ LASIS27.ZIP: Main LASI system files. ("?" indicates revision number)

¢+ CN20.ZIP: Setups for Orbit's CN20 process using the Foresight design
rules. Information is given in Appendix A.

¢+ MOSIS.ZIP: Setups using the MOSIS Scalable Design Rules in terms of
A. Information is given in Appendix B.

¢+ 2UCHIP.ZIP: An example of chip design (layouts and schematics) using
the MOSIS Scalable Design Rules with A = 1 pm.

If not on a floppy disk already, copy the above files to a 1.44MB floppy disk. At
the DOS command prompt C:\>, type: "a:2install". Assuming LASI is to be
installed on the C: drive, specify the hard drive as "C" and answer "Y" to all
questions. The LASI tutorial will run when the installation is complete. If the
tutorial runs, LASI is probably installed correctly. Reboot after you quit the
tutorial. To run LASI on any of the sample layouts, go to Chapter 1 of the text
and follow the instructions in Section 1.2 "Using the LASI Program." This will
give you the fundamentals of how to work with LASI
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as an advanced-level textbook or reference for engineers, engineering managers, layout
designers, layout draftsmen, computer engineers, professors, and computer scientists.
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