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USEFUL DESIGN PARAMETERS (simplified) 

Name Symbol NMOS PMOS NMOS PMOS Units 

Channel Length L 200 200 100 100 nm 
{rounded for convenience) 

Supply Voltage Voo 1.8 1.8 1.2 1.2 V 

Oxide Thickness t
,, 

35 35 22 22 A 

Oxide Capacitance c
,, 

1.0 1.0 1.6 1.6 µF/cm2 

Threshold Voltage Vro 0.5 -0.S 0.4 -0.4 V 

Body-Effect Term y 0.3 0.3 0.2 0.2 v112 

Fermi Potential 21¢,1 0.84 0.84 0.88 0.88 V 

Junction Capacitance C
jo 1.6 1.6 1.6 1.6 fF/µm2 

Coefficient 

Built-In Junction 4>, 0.9 0.9 1.0 1.0 V 
Potential 

Grading Coefficient m 0.5 0.5 0.5 0.5 
Nominal Mobility /Lo 540 180 540 180 cm2/V-s 

(low vertical field) 

Effective Mobility I', 270 70 270 70 cm2/V-s 
(high vertical field) 

Critical Field E, 6 X 104 24 X 104 6 X 104 24 X 104 V/cm 
Critical Field X L E,L 1.2 4.8 0.6 2.4 V 

Effective Resistance Rerr 12.5 30 12.S 30 kfl/D 

Name Symbol Value Units 

Gate Capacitance Coefficient c, 2 fF/µm 
Self Capacitance Coefficient ceff fF/µm 
Wire Capacitance Coefficient Cw 0.1-0.25 fF/µm 
Al Wire Resistance Ro 25-60 mfl/D 
Cu Wire Resistance Ro 20-40 m!1/D 
Wire Inductance Lerf 40-50 pH/µm 
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Preface to the Third Edition 

Motivation for a Third Edition 
Since the publication of the second edition over 15 years ago, the integrated circuit 
(IC) industry has undergone a tremendous amount of change. The most significant 
trend is the emergence of CMOS as the dominant IC technology. Other technolo­
gies such as NMOS, bipolar, and GaAs, have given way to CMOS due to considera­
tions such as power, level of integration, and cost. The tools, technologies, and 
know-how in CMOS are so pervasive that it will continue to lead the industry for 
the next decade. 

A second important trend is that scaling is continuing its relentless pace accord­
ing to Moore's Law. The industry reached the 1 µ,m minimum line width around 
the time of publication of the second edition. This was once considered to be a 
physical and psychological limit of scaling. However, it was quickly realized that 
transistors could be fabricated with minimum dimensions well below 1 µ,m and this 
ushered in the submicron era. Since then, we have been witness to six generations 
of technology scaling: 0.8 µ,m, 0.5 µ,m, 0.35 µ,m, 0.25 µ,m, 0.18 µ,m, and 0.13 µ,m. 

At roughly the 0.35 µ,m technology node, we entered the deep submicron era 
where a number of fundamental changes were encountered in behavior of transis­
tors and wires. Devices experienced a number of short-channel effects, perhaps the 
most important of which is velocity saturation. Interconnect began to control many 
of the electrical properties of the design such as delay, noise, power, and reliability. 
As a result, the transition from 0.18 µ,m to 0.13 µ,m also triggered a wholesale switch 
from aluminum to copper to mitigate these new interconnect issues. With all of 
these fundamental changes in the IC industry, there was a need to completely revise 
this book. 

What's in the New Edition? 
o We have focused on CMOS technology and moved the bipolar material to 

an Appendix. 
o The content is based on 0.18 µ,m and 0.13 µ,m CMOS technologies. 

xiii 
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xiv PREFACE 

• Most recent CMOS fabrication processes are described, including shallow­
trench isolation, copper interconnect, and low - k  dielectrics. 

• Two important chapters have been added on deep submicron interconnect. 
• New material has been added on logical effort that is useful for back-of-the­

envelope calculations of optimal gates sizes in high-speed CMOS design. 
• Advanced material has also been added on Flash memories, field-program­

mable gate arrays, and content-addressable memories. 
• A chapter has been added on advanced power grid design, clock design, and 

phase-locked loops. 
• A new section has been added on BSIM3 modeling and simulation. 
• This edition uses short-channel MOS device equations with velocity satura­

tion throughout the book. New equations have been derived for noise mar­
gins and switching thresholds. 

• Junction capacitance modeling has been updated to include shallow-trench 
isolation effects. 

• A SPICE tutorial has been provided in Appendix A. 
• Gallium arsenide has been removed from this edition. 

With these changes, the new edition of the book will be valuable for many years to 
come. 

Why Buy This Book? 

This book will teach you how to think like a designer. It is the product of the design 
know-how of many of the leaders in the field. This edition also contains extremely 
valuable information for practicing engineers in the semiconductor industry. The 
real value of the book is that it starts with the fundamentals of semiconductor 
devices and sequences in a step-by-step fashion to the key issues of digital IC design 
in deep submicron technologies. Like the previous editions, it is intended to be used 
as a fourth-year university textbook, with some of the latter material suitable for 
first-year graduate courses. 

This book retains the readability and accessibility of previous editions that led 
to its widespread use. While the goal is to provide the reader with the key concepts 
and equations for digital IC design, it provides much more detail than other books 
in the field. Concepts are introduced in a logical sequence and then reinforced 
throughout the book. Complex equations are reduced to simple design equations 
that can be used to carry out rapid hand calculations. 

There are many derivations, worked examples, exercises, and SPICE simula­
tions to allow the student and practicing engineer to build a solid understanding of 
the material in each chapter. There are problems at the back of the chapter to gain 
experience with the material and explore other topics not directly covered in the 
chapter. The chapter summaries are in the form of useful equations and parameters 
from each chapter. The inside front and back covers provide useful parameters, scale 
factors, and conversion factors that are used throughout the book. 
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Website for the Book 

A website for the textbook is available through McGraw-Hill. The website contains 
solutions, supporting material, color diagrams, illustrations, design problems, and 
errata. The website is valuable in constructing lecture material for a course based on 
this book. 

Advanced CMOS Technologies 

The material in this book is built around the 0.18 µ,m and 0.13 µ,m technology 
nodes. Both technologies are covered in enough detail to select one or the other as 
the primary technology for a course based on this book. Since SPICE is the simula­
tion tool used in this book, it is necessary to have access to device models for one of 
these two technologies for the course. All of the SPICE examples are based on 
0.18 µ,m, while the worked problems are based on both 0.18 µ,m and 0.13 µ,m tech­
nologies. T he textbook is also suitable for technologies below 0.13 µ,m, with appro­
priate changes in the examples and problems at the back of the chapters. 

Advanced Topics 

Advanced topics are included for stuaents wishing to go beyond the basic materia, 
of this text and gain insight into the issues in industry. They are designated with an 
asterisk ( *) and may be skipped without loss of continuity. 

How to Use This Book 

Chapters 1-3 comprise the foundational material upon which the rest of the book 
is based. Chapters 4-7 are the main body of the text where all of the transistor-level 
design issues are described in detail. Chapter 8 focuses on an application of all 
material covered in the book, specifically in static memory design. Chapter 9 
describes advanced topics in semiconductor memory design. The book continues 
with a detailed treatment of deep submicron interconnect issues in Chapter 10 and 
concludes with power grid and clock design in Chapter 11. 

For a IS-week semester course, with 3 hours of lecture time each week, the 
entire text may be covered at the rate of about one chapter each week. For a 12-week 
course, there is sufficient time to cover Chapters 1-8, Chapter 10, and selected top­
ics in Chapters 9 and 11. 

In a JO-week course, only Chapters 1-8 and Chapter 10 can be covered assum­
ing that much of the advanced topics are skipped. Depending on the background of 
the students entering the course, instructors should use their owff discretion in 
selecting the appropriate material and sequencing of this book. 

A chapter-by-chapter outline of the topics follows. 

PREFACE XV 
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xvi PREFACE 

Chapter 1 
Deep Submicron Digital IC Design 
In the first chapter, we provide a perspective on digital design in the deep submi­
cron era and motivate the topics in the rest of the book. We briefly review impor­
tant concepts of logic gates primarily to provide notational context for the book, 
including the ideal logic element, static input-output characteristics, noise margin, 
and propagation delay time. Then we elaborate on the key issues in deep submicron 
such as power dissipation, velocity saturated transistors, interconnect resistance, 
coupling capacitance, and inductance. The role of computer-aided design tools such 
as SPICE is described. The chapter concludes with the challenges ahead as described 
in the technology roadmap. 

Chapter 2 
MOS Transistors 
The short-channel device models to be used in the rest of this book are described in 
this chapter. To begin the treatment, rudimentary device physics concepts are cov­
ered to explain the threshold voltage equation and the transistor current equations. 
Both long- and short-channel models are derived. Then the oxide and junction 
capacitance models are described to complete the chapter. 

Chapter 3 
Fabrication, Layout, and Simulation 
This chapter describes the relationship between fabrication, layout, and simulation 
in the integrated circuit design process. The topics of fabrication and layout are 
important to IC designers and should be well-understood. However, for this course, 
it serves more as a background for the rest of the text. The more important subject 
is simulation with SPICE. The model parameters for SPICE are detailed in this 
chapter. A brief user manual is provided in Appendix A for those unfamiliar with 
the basics of SPICE. We also provide some advanced material on MOS transistors 
and fabrication technologies of the future. 

Chapter 4 
MOS Inverter Circuits 
This is a core chapter on MOS digital inverters and introduces concepts of voltage 
transfer characteristics, noise margins, inverter configurations, and simple timing 
and power calculations. Analytical equations are derived for noise margin parame­
ters and switching thresholds of inverters for a number of MOS inverters. 

Chapter 5 
Static MOS Gate Circuits 
This is another core chapter of the book. It examines the static design issues for 
NANDs, NORs, and complex gates. It develops extensions to inverter design to size 
the transistors in CMOS gates. Sequential elements, such as flip-flops and latches, 
are described in this chapter. The chapter concludes with a detailed treatment of the 
various components of power dissipation in logic gates. 
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Chapter 6 
High-Speed CMOS Logic Design 
This chapter describes the issues involved in high-speed logic design. It develops 
useful equations for switching delay calculation for step and ramp inputs. This 
involves the use of the large-signal on-resistance of gates, and the calculation of the 
loading capacitance, both of which are detailed. The total capacitance can be com­
puted using two key parameters for input and output capacitance. Gate sizing for 
equal delay and minimal delay are described. The thrust of the latter half of this 
chapter is high-speed logic optimization using logical effort. 

Chapter 7 
Transfer Gate and Dynamic Logic Design 
In this chapter, we explore dynamic design techniques using transmission gates and 
precharged logic. The important concepts of charge-sharing, bootstrapping, 
feedthrough, and charge leakage are elaborated in this chapter. Domino logic is 
described in detail as it is the most common form of dynamic logic in use today. 
These concepts lay the groundwork for the operation of many of the memory cir­
cuits discussed in the next two chapters. 

Chapter s 
Semiconductor Memory Design 
This chapter addresses the analysis and design of VLSI memories, commonly 
known as semiconductor memories. In this chapter, we classify the different types 
of memory, examine the major subsystems, and then focus on the static RAM 
(SRAM) design issues. This topic is particularly suitable for our study of CMOS dig­
ital design as it allows us to apply many of the basic concepts presented in earlier 
chapters. The entire design process for static RAMs is described in detail. 

Chapter 9 
Additional Topics in Memory Design 
This chapter explores a variety of other semiconductor memories, their architec­
tures, access mechanisms, and cell configurations. We begin by examining content­
addressable memories, since they are a derivative of the SRAM architecture. We also 
cover an important application of SRAM cells in the growing market segment of 
programmable logic called field-programmable gate-arrays (FPGAs). The chapter 
sequences through dynamic RAMs, mask-programmable RO Ms, erasable program­
mable ROMs, electrically-erasable ROMs and Flash memories, and concludes with 
a look at memory cells based on ferroelectric materials called FRAMs. 

Chapter 10 
Interconnect Design 
This chapter is devoted to the study of interconnect issues that the IC d�signer faces 
when designing in deep submicron technologies. It addresses the issues associated 
with RLC aspects of wires in detail. We begin by re-examining the RC delay calcu­
lation using the Elmore delay, and address the issue of buffer insertion in long wires. 

PRE'FACE xvii 
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Then we examine the capacitances associated with 3D interconnect which leads to 
a discussion of the effect of coupling capacitance on delay and crosstalk in logic cir­
cuits. The chapter continues with a discussion of inductance effects, and concludes 
with a look at antenna effects. 

Chapter 11  
Power Grid and Clock Design 
In this chapter, we address two chip-level design issues that are dominated by inter­
connect: power system distribution and clock distribution. This chapter addresses 
advanced issues such as power routing, IR drop, Ldi/ dt, and the impact of voltage 
drop on timing. The chapter highlights the interaction of the power system with the 
clock design. It also addresses clock generation and phase-lock loop (PLL) circuits 
to conclude the chapter. 
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Deep Submicron Digital IC Design 

1.1 Introduction 
Integrated circuits (ICs) are part of virtually every electronic component in the 
world today, such as cell phones, personal digital assistants, pagers, personal 
computers, printers, set-top boxes, automobiles, and so on. Most of these IC chips 
are "digital" in nature, with an increasing presence of "analog" circuitry. This text­
book addresses the design of digital circuits in deep submicron (DSM) technolo­
gies. If you have taken a design course on very large-scale integration (VLSI), you 
will recognize many of the circuit issues covered in this book. However, the main 
objective of this book is to train you to "think like a circuit designer." The goal is to 
give you the intuition and models that you need to be able to analyze existing cir­
cuits and create interesting new circuits. We aim to provide some real-world expe­
rience in how circuits are designed in industry, and how to make design trade-offs 
to achieve a good balance among speed, power consumption, and reliability. We 
strive to provide the understanding needed to anticipate the likely improvements 
and potential difficulties that may be encountered with future technologies. 

CHAPTER 

1 

1 
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2 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

Before we can talk about circuits, we need to understand the basic digital com­
ponents and tools that we use to analyze them. We need to look at technology trends 
and what types of problems have been introduced due to technology scaling. This 
will provide the motivation for the topics that are described in the rest of this book. 

The design of modern digital systems requires contributions from several engi­
neering specialists. First, a system designer, or system architect, determines the 
desired characteristics for the overall system and prepares a detailed specification 
that defines all inputs, outputs, environmental conditions, operating speeds, etc. 
The system is then implemented using a register-transfer level (RTL) language such 
as VHDL or Verilog. 1 This RTL description is translated into a logic design that can 
meet the functional requirements. The output of this step is referred to as the gate­
level design. Once the gate-level design is completed, it is converted to the circuit 
level where transistors are used to implement each logic gate. Finally, the transistor 
schematic is converted to an integrated circuit in the form of geometric layout usu­
ally represented in GDS-II stream format.2 

Good system design requires that design decisions result in the appropriate bal­
ance among system characteristics, logic design, circuit design, layout design, and 
fabrication technology. Since compromises must usually be made and alternatives 
evaluated, it is important that the various specialists mentioned above have some 
knowledge of the related fields. 

The task of the circuit design engineer is to design transistor circuits that imple­
ment the required logic functions. Whenever many copies of the desired system are 
to be manufactured, it is important to achieve high reliability of operation and a 
proper balance among cost and performance characteristics, such as timing, power, 
and area. The design must also operate properly in the presence of process varia­
tions, supply fluctuations, and changes in the environmental conditions. The chap­
ters that follow address in depth the issues of microelectronic design that determine 
these characteristics. Of particular concern is the tradeoff between timing and 
power in !Cs since designs today are either high speed or low power. 

Today, virtually all digital systems are based on integrated circuit technology. 
Various design options and tradeoffs exist. Choices must be made among circuit 
families, level of integration ( the number of circuits on a chip), and programmable 
versus fixed-function ("hard-wired") circuits. A wide variety of IC technology is in 
use today. The most prevalent technology is the metal-oxide-semiconductor (MOS) 
process. Other technologies such as bipolar, GaAs, and SiGe are also available but 
represent a smaller part of the total market. The various integrated circuit tech­
nologies have widely differing characteristics. In the bipolar category, transistor­
transistor logic (TTL) and emitter-coupled logic (ECL) have seen widespread use 
in the past. In the last 20 years, a dramatic transition has been made to MOS 
technology due to its high density of integration. In fact, integrated circuit process 
and device engineers continue to make major improvements in these technologies 
every 2 or 3 years. Through the 1970s, n-channel MOS (NMOS) technology was 

1 VHDL and Verilog are hardware description languages used to describe large digital systems. 
2 GDS-II is an industry standard format for describing the geometric objects in a layout. 
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commonplace. Since 1980, complementary MOS (CMOS) has become the domi­
nant technology due to its low-power characteristics. 

Some understanding of integrated circuit fabrication techniques is required to 
compare the relative characteristics of different circuit families, such as NMOS and 
CMOS. An appreciation for the direction and rate of change in fabrication technol­
ogy is important if product designs are to provide good possibilities for evolution­
ary improvements. Furthermore, the statistical variation in the process must be well 
understood to design modern circuits. The fabrication process and transistor struc­
ture have changed over the last 10 years and we will examine these changes. While 
it is not the purpose of this book to describe the details of IC fabrication, it is nec­
essary to describe the basic processing steps used today to understand both the lay­
out of MOS circuits and the origins of the important parameters for simulation 
tools used for their analysis. 

Computer-aided design (CAD) tools are essential in design and analysis of digi­
tal integrated circuits. We will examine the types of tools that are typically used in 
industry, but focus on circuit simulation that is important for cell library charac­
terization and custom IC design. The primary workhorse tool for detailed circuit 
analysis is SPICE.3 We will spend time understanding MOS models for hand analy­
sis and comparing their results against circuit simulation to validate the hand analy­
sis. In effect, we want models that are suitable for hand analysis but accurate enough 
to provide insight into the actual circuit operation. Detailed circuit simulation can 
be used to examine the second-order issues, and address other first-order issues 
such as process, temperature, and supply variations. 

1.2 Brief History of IC Industry 
The IC industry started in the late 1960s and early 1970s with a ten micron technol­
ogy. This technology node was identified by the minimum geometry that could be 
printed on the chip. We refer to designs of that era as small-scale integration (SSI) 
and medium-scale integration (MSI), meaning that only a few gates, or a few 
hundred gates, could be integrated on a single chip. Every 3 years or so, technology 
dimensions were scaled by a factor s, which has historically been found to be equal 
to 0.7. This meant that a chip that was 1 mm X 1 mm 1 mm2 could be reduced 
to 0.7 mm X 0.7 mm = 0.5 mm2 in the next generation. Another way to look at it 
is that twice the number of transistors could be integrated on the same 1 mm2 chip 
as compared to the previous technology node. Because of this, the cost per logic 
function decreased with each new generation. This trend came to be known as 
Moore's law, perhaps the most important observation in the history of I Cs. Many 
have predicted the end of Moore's Law several times in the past 30 years and have 
been proved wrong to this day. 

During the 1970s, the ability to integrate thousands of gates on a single chip 
became feasible. This was the era of large-scale integration (LSI). Designers began 

3 SPICE is an acronym for Simulation Program with Integrated Circuit Emphasis, originally developed at the 
University of California-Berkeley in the 1970s. 
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to develop microprocessors with significant processing capability, and memories 
with large storage capacities. Integrated circuits began to show up in pocket calcu­
lators, computers, and television sets. By the end of this decade, the enormous 
potential of integrated circuits was well understood. Around 1980, a revolution 
began in the microelectronics industry with major advances in IC processing tech­
nology, microprocessor design, memory design, and computer-aided design (CAD). 
This was driven by a whole host of consumer products including personal comput­
ers, printers, and VCRs. The name coined for this era was, of course, very large-scale 
integration (VLSI). The term VLSI captured everyone's imagination of the unlim­
ited possibilities of this technology. The ability to place 1 million ( IM) transistors 
on a single chip was within reach and the race began to develop chips that were 
capable of using this level of integration. 

Through the 1980s, available technologies were mostly in the 5 µ,m to 1 µ,m 
range. This dimension nominally refers to the channel length of the transistor. It also 
refers to the minimum resolvable geometry on a given layer of metal in the inte­
grated circuit, specifically, the metal line widths or metal-to-metal spacing (metal 
pitch). Advances in photolithography, the key process that defines the minimum 
dimension in a technology, eventually led to line widths that were below 1 µ,m. This 
was referred to as the submicron era, at one time thought unreachable. However, 
scaling continued aggressively to the point where 0.5 µ,m and 0.35 µ,m line widths 
were achieved by the mid-1990s. At the same time, the number of layers of metal 
continued to increase. Metal layers composed of aluminum and tungsten were used 
to connect transistors. The industry began with only one layer of metal for all con­
nections. As the number of transistors increased, there was a need to increase the 
number oflevels of metal so that all required connections could be made. Figure 1.1 
shows a four-layer metal process in 0.35 µ,m technology. 

Many argued that 0.35 µ,m technology would be a physical limit for photo­
lithography since the wavelength of light is approximately equal to this value. How­
ever, further advances allowed scaling below this barrier. At this point, the term deep 
submicron (DSM) was coined to emphasize that we had gone beyond another scal­
ing limit, and well below the 1 µ,m barrier. The device behavior was largely con­
trolled by a number of new short-channel effects. In addition, new problems began 
to arise concerning the metal interconnect. The wires connecting the transistor 
began to introduce additional RC delays in the circuit due to increased resistance. 
Furthermore, coupling between lines caused delay variations and noise injection. 
The increases in resistance in the power distribution system led to voltage drops in 
the power grid, commonly referred to as IR drop. The reliability of the aluminum 
metal lines began to degrade due to metal migration resulting from high current 
levels. Collectively, these issues were referred to as signal integrity problems and 
they characterize what we call the deep submicron era. 

While these problems were not completely resolved, scaling continued its 
relentless pace to 0.25 µ,m, 0.18 µ,m, 0.15 µ,m, and by the year 2001, to 0.13 µ,m. We 
entered a new era where aluminum lines with tungsten vias gave way to a dual­
Damascene copper process, as shown in Figure 1.2, to mitigate the interconnect 
issues mentioned above. New dielectric materials were introduced, the so-called 
low-k dielectrics, to reduce coupling effects between wires. This period goes by many 
names, for example, very deep submicron (VDSM) and ultra-deep submicron 
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Table 1.1 
A short list of major DSM device and interconnect issues 

osMD~~ic~s 
Short-channel effects on Vr 

Velocity saturation 

Thin-oxide (tunneling/breakdown) 

Subthreshold current 

DIBL 

Hot-carrier effects 

RC delays 

IRdrop 

Ldi/dt 

Capacitive coupling 

Inductive coupling 

Electromigration 

Antenna effects 

tungsten vias. STI is also used at 0.18 µ,m and below. Except for these differences, the 
design and analysis methods described in this book apply equally well. At the time of 
the writing of this book, 0.18 µ,mis the dominant technology so coverage of this tech­
nology is appropriate. Furthermore, access to 0.18 µ,m technology files is available 
through a number of websites. Therefore, many examples from 0.18 µ,mare included 
in this book. 

1.3 Review of Digital logic Gate Design 
1.3.1 Basic Logic Functions 

As we embark on the design of digital integrated circuits, we start by reviewing the 
basic logic elements that are used in the design process4 and elaborate on some of 
the notation and symbols used in the book. Digital logic gates implement Boolean 
functions such as the inverter (INV), NAND, and NOR. Any logic function can be 
constructed from these basic gates. These combinational gates and their correspon­
ding truth tables are shown in Figure 1.3. 

Logic functions are represented in one of two canonical forms: sum-of­
products or product-of-sums. For example, a sum-of-products representation takes 
the form: 

F AC + BC + AD + BD 

whereas a product-of-sum form for the same function would be 

F (A + B) ( C + D) 

The sum function is always represented using the"+" symbol. The product function 
may be represented as "*" or "•''. or it may be left out altogether. Typically, we will 
employ the sum-of-products form, but both are useful. Other useful combinational 
gates such as the exclusive OR (XOR), exclusive NOR (XNOR), and multiplexers 

4 Although the treatment is brief, those familiar with this subject may choose to skip this section. 
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Figure 1.3 
Basic logic gates. 
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Inverter (INV) NAND NOR 

A B F A B F 

0 0 I 0 0 I 

0 1 I 0 I 0 

I 0 I I 0 0 

1 I 0 1 l 0 

(MUX) can be easily implemented using the basic gates of Figure 1.3. For example, 
the XOR gate has the function: 

F=AEBB=AB+AB 

A bar over a literal indicates the complement of a variable. Assuming that only A 
and B are available as inputs, the function can be implemented using two NAND 
gates, one NOR gate, and five inverters. A more efficient version would use three 
NANDs and only two inverters. 

Also important is the multiplexer which is a selection of a particular input, A 
or Bin this case, based on the value of select input S: 

F AS+ BS 

Another common circuit function is the buffer, which is a gate that produces an 
output that is the same as its input. Using the gates in Figure 1.3, we would imple­
ment this function using two inverter stages. There are two possible symbols for a 
buffer, as shown in Figure 1.4. Since the intent of the gate is to perform a buffering 
operation, we would like to reflect this in the logic circuit somehow. We can either 
use a buffer symbol, or cascade two inverters and place a bubble in front of the 
second gate, instead of a bubble at the end (as shown in Figure 1.4). Simply having 
two inverters in series may lead to confusion later in the design process. 

Similarly, NAND and NOR gates have two possible representations depending 
on the placement of the bubbles, as shown in Figure 1.4. These two representations 
can be constructed using DeMorgan's Laws. Recall that DeMorgan's Laws, in their 
most basic form, can be stated as: 

(a+b)=a·b 
(a·b)=a+b 

(1.1) 
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-[>-
Buffer 

3-inputNOR 

3-input NAND 

Figure 1.4 
Alternative representations of buffer, NOR, and NAND. 

In general, DeMorgan states that the complement of a function can be obtained by 
replacing each variable or element with its complement, and then exchanging the 
AND and OR functions. It also tells us that we can represent NOR and NAND gates 
in two ways, as illustrated in Figure 1.4. Both sets of gates function identically. 

Which representation is preferred? It depends on the intended function of the 
gate. If the intent of the function is to perform a logical ''AND" operation, the 
designer should use the AND function with bubbles on the input (rather than the 
NOR function). If the intent of the function is to perform a logical "OR'' operation, 
the designer should use the OR function with bubbles on the input (rather than the 
NAND function). Imagine the confusion when debugging if the intended logic 
function and the actual logic implementation look different. To avoid this, we 
always use the gate representation that captures design intent. 
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Figure 1.5 
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D Q (old) Q (new) 

X 0 0 

X I I 

0 X 0 

1 X 1 

X 0 0 

X I 1 

X 0 0 

X I 1 

Excitation table 

Sequential logic elements, such as flip-flops and latches, can be constructed 
from the basic logic elements described above using feedback. A wide variety of flip­
flops exist: D-flip-flop, JK-flip-flop, T-flip-flop, SR-flip-flop, etc. These elements act 
to store logic values until the input changes and a clock signal activates them to read 
new data. Figure 1.5 shows a simple D-type flip-flop (DFF) and its corresponding 
excitation table. When the clock switches from low to high, the value at the data 
input is read into the DFF, and then propagated and held at the output. Under all 
other conditions, the output value is held at its previous value. This is a so-called 
positive-edge triggered flop, meaning that the input is sampled only on the positive 
edge of the clock. The X state in the table refers to a "don't care" state indicating that 
the output is not dependent on the value of the corresponding input. 

1.3.2 Implementation of Logic Circuits 

Electronic circuits are used to implement these and more complex gates. Figure 1.6a 
shows an ideal logic gate. It operates from a single power source, from which it 
draws a minimum amount of power (ideally zero, of course). 

The two binary output levels are at zero (logic 0) and at the supply voltage Vvv 
(logic 1). The output impedance is low so that large currents may be driven into 
external resistive or capacitive loads without altering the output voltage level. 
The transition between states at the output occurs abruptly for an input level equal 
to one-half the supply voltage, as in Figure 1.6b. There is negligible time delay 
between the input and output transitions. Virtually any number of inputs are avail­
able; the input impedance is high so that the circuit imposes little loading on the driv­
ing signal. Of course, all practical logic elements fall short of the ideal performance 
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Out 

v1JD = power supply 

Inputs Output 

o~-----------
o In 

(a) (b) 

Figure 1.6 
Ideal digital circuit. 

defined here, but depending upon the application, some are better than others. Thus 
there are opportunities for good engineers to make useful tradeoffs as a part of cir­
cuit design. 

The first shortcoming to realize is that the signals associated with actual imple­
mentations are continuous whereas the truth table values are discrete. Therefore, 
certain important characteristics are desired of electronic circuits for processing 
digital information. 

1. The binary output signal must be a prescribed function of the binary input 
or inputs of the gate. 

2. Quantization of amplitudes within the normal range of operating voltage is 
required, as illustrated in Figure 1.7a. This implies strong nonlinearities in 
circuit operation. Amplitudes within the boxed regions in Figure 1.7a repre­
sent each of the two binary states. At the circuit input, the uncertain region 
between the two boxed regions should be as small as possible. 

3. Amplitude levels should be regenerated in passing from the input to the out­
put of a digital circuit, as illustrated in Figure 1.7b. This requirement dictates 
a voltage transfer characteristic in the general shape shown in Figure 1.7c or 
Figure 1.7d. Voltage gain should be greater than unity somewhere between 
the logic states. The two nominal output levels are denoted V 0H and V 0i, as 
in Figure L 7 c or Figure 1. 7 d. The input voltages VIL and Vm are defined by 
the points at which the magnitude of the slope of the voltage transfer char­
acteristic is unity. 

4. Directivity is required for a useful logic circuit. Changes in an output level 
should not appear at any unchanging input of the same circuit; that is, there 
must be an explicit, unilateral cause-effect relationship between input(s) and 
output(s). 
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Logic abstraction of continuous signals. 
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5. The output of one circuit must be capable of driving more than one input 
of similar circuits. The number that can be driven is termed the fanout of the 
circuit. Similarly, for general use, digital circuits must be capable of accept­
ing more than one input. The number of independent input nodes is termed 
the fanin. 

1.3.3 Definition of Noise Margin 

The word noise, in the context of digital circuits and systems, means unwanted vari­
ations of voltages or currents at logic nodes. Today, there are a wide variety of noise 
sources that may affect circuit performance. We want to define a metric that can be 
used to assess the effect of noise on a circuit. If the magnitude of noise is too great, 
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it will cause logic errors. However, if noise amplitude at the input of any logic cir­
cuit is smaller than a specified critical magnitude known as the noise margin of that 
circuit, the noise will be attenuated as the desired signal passes from input to out­
put. In properly functioning digital systems, noise is attenuated in passing through 
a circuit while the desired logic signals are restored to full amplitude without error. 
Noise does not accumulate from one logic stage to the next as it does in analog sys­
tems. Digital systems have an important advantage in this respect and we depend on 
this advantage when designing digital circuits. 

In the past, noise was due primarily to external off-chip sources. Today, noise also 
arises from internal on-chip sources, predominantly due to the nature of the inter­
connect structure of integrated circuits. The output levels may vary due to capacitive 
or inductive coupling, circuit manufacturing tolerances, temperature changes, power 
supply variations, and electrical loading at the output node. The worst combinations 
of all these effects are used to define the worst-case output voltage range. 

In general, noise margins are different in high and low logic states. They are 
denoted, respectively, as NMH = V0H - Vm and NML = VIL - V0L' As long as the 
input remains in these ranges, the circuit will work properly in the presence of 
noise. Further discussion of these terms and concepts will be found in subsequent 
chapters of this book. 

1.3.4 Definition of Transient Characteristics 

Digital logic implementations exhibit finite rise and fall delays, as well as finite 
propagation times due to capacitances and resistances associated with the gates. 
These delays limit the performance of logic circuits and we seek to minimize the 
overall delays along critical paths in the circuit. Variations in gates delays along dif­
ferent paths to a gate may cause glitches in its output, that is, an unexpected short 
pulse at the output due to differences in arrival times at the inputs. Specific defini­
tions of transition times and propagation delay times are needed for a description 
of the switching characteristics of logic circuits. Once such definitions are estab­
lished, calculations of these times can be made. 

Standard definitions of digital circuit delay times are illustrated in Figure 1.8. 
Rise and fall times tr and t1 are defined between the 10 and 90% points of the total 
voltage transition at the input of an inverter or gate. The total voltage range at both 
input and output is taken to be V0 i to V0 H, because this is the nominal situation 
when identical inverters or gates are cascaded. Input transition voltages VIL and VrH 
are not normally used in specification of transient performance. 

High-low and low-high transition times at the output of a gate are defined as 
tHL and tLH' again between the 10 and 90% points, as seen in Figure 1.8a. Propaga­
tion delay times from input to output, denoted tPHL and tPLH> are defined between 
the 50% points of the input and output pulse waveforms. Cycle time tcycle is the time 
between identical points of successive cycles in the signal waveform as seen at any 
single node, as in Figure 1.8a. Often cycle time is specified in terms of its reciprocal, 
clock frequency fczk· Practical digital systems operate with cycle times 20 to 50 times 
the propagation delay of a single gate circuit. 
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Definitions of transition and delay times. (a) Actual transient voltages. (b) Idealized transient 
voltages for hand calculations. 

In hand calculations, it is difficult to take into account the finite rise and fall 
times of signals at inverter or gate inputs. Consequently, it is common to use an ideal 
pulse input with zero rise and fall times, as in Figure 1.8b. This ideal input signal is 
positioned with its edges at the 50% points of an actual input signal, as illustrated in 
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Figure 1.8b. Propagation delay times are then approximated by the time from the 
edge of the ideal input pulse to the 50% point of output voltage transitions. Tech­
niques are available to estimate the effects of finite input slopes and these will be 
elaborated further in this book. Computer circuit simulation should be used to 
obtain more accurate results. 

1.3.5 Power Estimation 

Many of the issues in logic design today concern power dissipation. Consider Fig­
ure 1.9 which shows the power dissipation levels of microprocessor designs over a 
25-year period starting in 1980, based on published results at ISSCC.5 Chips were 
increasing in power by a factor of 4 every 3 years for the first decade. In fact, the 
power level of some chips approached 100 W. High-speed logic typically implies 
high power. As gates switch during their logic operations, they consume power. The 
more gates that switch and the faster they switch, the more power they will con­
sume. Because of the demand for higher and higher speeds, the power dissipation 
reached unacceptable levels that eventually exceeded 100 W. One of the key design 
problems today is to minimize the overall power consumed per logic operation. As 
a result, power is increasing at a rate of 1.4X every 3 years over the last decade. 

One difficult problem is to determine the actual power dissipation of a chip 
early in the design process. Power for a gate can be computed accurately, but power 
for an entire ·hip can only be estimated, since it der~nds in large part on the activ­
ity of the chip. Also, power dissipation varies for logic, memory, clock, analog 
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5 International Solid-State Circuits Conference held annually by the Solid-State Circuits Society. 
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blocks, etc, Therefore, a variety of methods may be required to have a reasonable 
estimate of the total power. 

The basic power equation is 

P =IX V00 (1.2) 

where I is the current flowing from V00 to ground. The power dissipation of a logic 
gate may be broadly categorized into static and dynamic power. Static power 
involves power dissipation when the gate is not switching. Dynamic power involves 
the power during switching operations. The total power is a combination of the 
static power and the dynamic power: 

(1.3) 

For the static case, Tis simply the steady-state current when there is no switching. 
This can be due to any de current that may exist or leakage currents in the circuit: 

(1.4) 

Dynamic power is associated with switching from high-to-low and low-to-high. 
The power dissipated is a function of the voltage swing, capacitance, and switching 
frequency. In the dynamic case, we will find that 

(1.5) 

where f is the switching frequency of the gate and C is the output capacitance driven 
by the gate. In circuit design, we attempt to design high-performance circuits that 
dissipate low power. However, high-speed implies a large f and requires large tran­
sistors with a large C. This unfortunately increases the overall power dissipation. 
Clearly, a power-delay tradeoff exists and we can only hope to balance the desired 
speed with the maximum allowable power dissipation. Even though this is a simple 
example, it provides some insight into the type of compromises that are involved in 
circuit design. 

1.4 Digital Integrated Circuit Design 
Simply stated, design is the effective management of a large number of engineering 
tradeoffs. This is true in virtually all engineering disciplines, but it is particularly 
true in design of integrated circuits where a large number of tradeoffs are possible. 
The main tradeoffs relate to timing, power, and area. Today> timing and power are 
the two most important specifications for the design, with area being a lower priorw 
ity due to the scaling of technology and the level of integration that is possible. 
Other important issues include noise tolerance) testability, yield; temperature; sup­
ply fluctuations, short-term and long-term reliability, time-to-market, cost, and 
packaging considerations. Each design may have a different set of priorities relative 
to these issues, but all of these factors will influence the design decisions in one way 
or another. 
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As mentioned earlier, the goal of this book is to teach you to think like a 
designer. While all of the above issues cannot be fully described in one book, the art 
of making engineering tradeoffs can be conveyed. This involves the use of simple 
models that allow you to carry out "back~of-the-envelope" calculations. This will 
also help to develop intuition about circuits and how they work. Other techniques 
will be described that allow you to quickly optimize a circuit for speed and assess 
different alternatives for a particular function. A popular misconception is that 
good circuit design involves new and innovative circuit topologies. In contrast, 
industrial circuit design is more concerned with getting a chip to work the first time 
in the presence of process and environmental variations, and at low cost. lt must 
also be delivered within a market window and operate properly for the expected 
lifetime of the chip. While there is a place for new circuit configurations, this book 
addresses mainsn·eam circuit design techniques. 

1.4.1 MOS Transistor Structure and Operation 

We now turn our attention to the MOS transistors that will be used to implement 
logic gates. At a very high level, the MOS transistor essentially behaves as a switch. It 
has two major states; on or off When it is on, it is conducting current; in the off state, 
there is no current flow. This basic transistor action can be used to build up complex 
logic functions. For example, parallel combinations of these switches can be used to 
implement the OR function, while series combinations can be used to implement the 
AND function. We will illustrate, in later chapters, how a collection of transistors can 
be configured to operate as an inverter, buffer, NOR, NAND, MUX, DMflip-flop, etc. 
At this stage, we simply need to understand the structure and operation of the tran­
sistor, so that some of the design issues can be elaborated further. 

The structure of an NMOS transistor is shown in Figure 1.10. The acronym MOS 
refers to the vertical layers of metal-oxide-semiconductor. The metal is usually a 
silicon-based material called polysilicon.6 The oxide is silicon-dioxide with a thick­
ness of to:,; as shown in the figure. The transistor is comprised of two heavily doped 
n+ regions diffused in a lightly doped p-type substrate. The n+ regions have a large 
supply of mobile electrons available for current flow, while the p-type region has a 
large supply of mobile holes. The n+ regions are separated by a distance, L, referred 
to as the channel length. The other important dimension of the transistor is the chan­
nel width, W, which goes into the page (not shown). This device is called an NMOS 
transistor since it has two n+ regions, referred to as the source and drain. The other 
two terminals of the device are the gate at the top and the substrate at the bottom. 

In the figure, the source and substrate terminals are both grounded. The gate 
terminal has voltage Vas applied to it and the drain terminal has voltage Vns applied 
to it. When Vcs is O V, the transistor is said to be in the ''off" condition, This is 
because there is no current flow between the drain and source regions. In this 
condition, there is no path between the source and drain for electrons to flow. In 
fact, there are more holes than electrons in the region between the source and drain. 

6 The use of the word metal is somewhat of a misnomer. In the early days, aluminum was used as the metal 
gate but the industry quickly switched to polysilicon due to yield problems. The acronym MOS has remained 
with us in spite of the ,hange in material. 
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When a sufficiently high) positive value of V0s is applied at the gate node; it will 
invert the surface of the semiconductor. The gate voltage at which this inversion 
occurs is called the threshold voltage, Vr, of the device. Under these conditions) a 
bridge of mobile electrons exists extending from source to drain. The transistor is 
considered to be "on» in this condition. Current will flow if a potential difference is 
created between the source and drain nodes using V08 • This is an n-channel tran­
sistor since the polarity of the carders in the channel is negative. A similar but 
opposite transistor. the p-channel transistor, can be created by diffusing two heavily 
doped p+ regions into a lightly doped n-type substrate. For the PMOS device, a neg­
ative voltage Vas of sufficient magnitude will invert the surface, and a negative 
potential difference for Vvs will initiate hole current flow, 

1.4.2 CMOS Versus NMOS 

With this basic understanding of the NMOS and PMOS devices, we can construct 
our first logic gate: the CMOS inverter. As shown in Figure 1.11, a CMOS inverter 
is comprised of an n-channel device and a p-channel device. The inverter is con­
nected between the positive power supply voltage, V DD• and ground, which we refer 
to as Gnd throughout the text ( V55 is also used for this reference node). The PMOS 
device is the pull-up device connected to V00. Its role is to pull the output to a high 
value. The NMOS pull-down device is connected to Gnd, and its role is to pull the 
output to a low value. The input, v;0 , is connected to the gate terminal of both 
devices, while the output, V0w is the drain terminal of both devices. When the input 
is at VvD• the NMOS device is on while the PMOS device is off. Hence) the drain cur­
rent of the NMOS device flows through a highly conductive channel and discharges 
the output capacitance. The result is that Vout is O V. When the input is at O V; the 
NMOS device is off while the PMOS device is conducting to pull the output to V00. 

Clearly, this configuration functions as an inverter. 

ONSEMI EXHIBIT 1038, Page 38



18 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUIT$ 

V;,, 

Figure 1.11 

PMOS device 

D 

D 

NMOS device 

Gnd (Vss) 

CMOS inverter schematic. 

-...,...-- Yoo 

1 
Figure 1.12 
Basic NMOS-style inverter. 

In either the high or low statei CMOS inverters dissipate very little power 
because one of the transistors is always off. The tiny steady-state power consump­
tion of CMOS is its most attractive feature. 

In the 1970s and early 1980s, NMOS technology was dominant. In this tech­
nology, p-channel devices were not allowed, since n-channel devices were known to 
be superior to p-channel devices. All gates were constructed from n-channel tran­
sistors. An example of an NMOS inverter is shown in Figure 1.12. Here, the pull­
down device is the same as in the CMOS inverter, but the pull-up device is shown 
as a resistance, Ri- The resistance was implemented with a special type of n-channel 
transistor that remained on all the time, referred to as a depletion-mode device, 
Vvhen the input to this inverter is low) the resistor pulls the 01..1tput to a high value 
sin<::e the pull-down device is off. When the input is high, the pull-down device 
attempts to pull the output low, while the resistor tries to pull the node high, 
The sizing of the devices ensures that a valid low output is established. How­
ever; when the output is low, there is de current flowing from Vvo to Gnd given by 
( Vvv - V 0L)I Ri· As a result, the gate dissipates steady-state power when the output 
is low, as shown in Figure 1.12. 

When the scaling of MOS technology permitted several hundred thousand gates 
on the chip1 it began to signal the demise of NMOS technology. The reason is that if 
half the gates on the chip had a low output, then they would be dissipating power. In 
the standby condition where no logic switching takes place, high levels of power 
would be dissipated unnecessarily. As the number of gates increases in accordance 
with Moore's Law, the power continues to increase. In the case of CMOS gates, very 
little standby power is dissipated whether the output is high or low. If fact, even with 
a number of notable disadvantages of CMOS, its low standby power eventually won 
out and led to the extinction of NMOS-only technologies. 

In keeping with its technology dominance, this book focuses on CMOS digital 
circuits. It covers many different types of CMOS logic gates, their implementation 
and their design tradeoffs. While there have been many types of interesting CMOS 
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circuits devised over the years, this book aims to provide coverage on the logic fam­
ilies that have emerged in mainstream design. However, there are new issues to 
address associated with deep submkron interconnect providing a second major 
focus for this book. This is highlighted in the next section. The hope is that, with a 
solid understanding of CMOS logic design and interconnect design concepts cov­
ered in the chapters to follow) the reader will be able to quickly grasp almost any 
new circuit topology or interconnect issue in the open literature. 

1.4.3 Deep Submicron Interconnect 

We now turn our attention to the wires in deep submicron technology. These wires, 
commonly known as interconnect, are used to provide connections between gates 
and also to route the power supply and ground to all the gates on the chip. In the 
early days of integrated circuit design, the connection between the transistors that 
form the logic gates was a simple routing exercise. Only one or two metal layers were 
available to wire up the devices. Since there were only a few thousand gates on 
the chip, the wiring process was rather straightforward, and the capacitances and 
resistances associated with these wires could be safely ignored. With technology 
scaling) the transistor density increased tremendously following Moore's Law. A 
new problem arose due to routing congestion. As the routing capacity of each layer 
was exhausted, the addition of many more levels of interconnect was needed to 
complete the routing, Meanwhile, the length of the wires increased to the point 
where the capacitance-to-ground of the wires could no longer be neglected. For 
example, to compute the delay of the inverter shown in Figure 1.11, calculation of 
capacitance value at the output required the inclusion of wire capacitance for any 
wire with an appreciable length. 

Figure 1.13 provides an indication of the sheer density of interconnect in !Cs 
today. Wires on a particular layer run in one direction while wires on another layer 
run in an orthogonal direction. In the past few years, the number of layers of inter­
connect has grown to more than eight 

More importantly) the introduction of multilayer interconnect and scaled 
dimensions have caused numerous problems. Interconnect issues now dominate 
the performance) reliability, and power distribution of advanced integrated circuits 
and, in some sense, interconnect is more important than the devices carrying out 
the logic operations. 

Two prominent effects of scaling are shown in Figure 1.14. First, narrow wires 
have a nonnegligible resistance associated with them as illustrated in Figure 1.14a. 
This was noticed in earlier technologies but it became a problem at the 0.35 µ.m 
technology node. Second, the wires are getting thinner but not decreasing as rapidly 
in height. This produces wires that look like tall thin conductors. When placed 
next to one another they form parallel plate capacitors that couple two signals 
together. This capacitance was present in earlier generations, but its value was 
negligible. In present day technology, this coupling capacitance is significant, as seen 
in Figure 1.14b. This is also reflected in Figure 1.13 by the number of parallel lines 
adjacent to one another. These lines are tightly coupled due to the large .capacitances 
between them. 
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Figure 1.13 
Example of integrated circuit layout dominated by routing. 

(a) 

Older technology DSM technology 

(b) 

Figure 1.14 
Wire resistance and coupling capacitance. 

In Figure 1.15, we show two effects of increased resistance. The delay of a sig­
nal can no longer be computed with the wire capacitam:e alone, Wire resistance 
must now be included (Figure 1.15a) to determine the delay accurately. The 
increased resistance in the power supply lines, as shown in Figure 1.1 Sb, causes volt­
age drops along the wire, referred to as IR drop. This may affect the timing and func­
tionality of gates connected to the power lines if the drop becomes too significant. 

An increase in wire resistance can sharply increase the delay along the inter­
connect as the length increases. For long wires, the interconnect delay is proporw 
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Figure 1,15 
Effect of interconnect resistance. {a) RC delay. (b) IR drop. 

DEEP SUBMICRON DIGITAL IC DESIGN 21 

{b) 

tional to the square of the length. At some point the interconnect delay overtakes 
the gate delay. This is not an acceptable situation when the wire delay is larger than 
the delay of the gate driving it. 

A number of new design techniques were introduced to mitigate this problem. 
For example, copper was introduced as wire material due tQ its lower resistivity. 
Another effective approach for long wires is to insert large buffers at intervals along 
the wire to keep the delay from being larger than the gate delay. By inserting buffers, 
the interconnect lengths are effectively shortened, thereby reducing the delay. 

Clock design has become a major challenge due to the size of chips, the num­
ber of flip~flops to be driven, and the interconnect effects. The clock is an important 
signal that must be routed to almost all points of the chip. Differences in the arrival 
times of the clock to their target flip-flops is called clock skew. To minimize delay 
and skew, the interconnect lengths can be shortened by inserting buffers at certain 
intervals along the wire and ensuring that the delay to all points is roughly the same. 

Figure 1.16 illustrates the impact of interconnect on clock design. A buffered 
clock tree and its corresponding delay diagram is shown in the figure. On the left, 
the clock root node is situated in the lower portion of the design and the main spine 
is routed from this point to the various blocks on the chip. The clock signal is then 
delivered to the target flip-flops in each block. A three-dimensional view of the 
delay from the clock root to various points on the chip is shown on the right side. 
This delay plot is color-coded such that clocks that arrive early are shaded white and 
gray, and late-arriving signals are darker. In the figure, there are a number of late­
arriving signals with a high skew as evidenced by the many dark peaks. 

Increased resistance in the power grid leads to IR drop, as illustrated in Figure 
1.17. This is a contour plot of the voltage drop across the chip. The ideal supply 
voltage exists only at the boundaries of the chip, with reduced values available to 
gates inside the chip. If the voltage drops below 10% of the ideal value of Vvv, the 
circuit may not operate as expected. A different shade is used for each voltage range 
starting with a lighter shade for voltages near VDD· The dark shading near the cen­
ter of the chip indicates a violation of the noise budget of 10% calling for a redesign 
of the power grid. 
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Figure 1.16 
Clock tree and 30 del y plot. Plots courtesy of Simplex S0lut1ons, Inc. 

Figure 1.17 
Contour plot of IR drop on a digital IC Plots courtesy of Simplex Solutions, Inc. 
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Figure 1.18 
Effect of coupling capacitance. 

The next issue to examine is the effect of coupling capacitance. A circuit repre­
sentation of coupling capacitances along interconnect lines is shown in Figure 1.18. 
Problems occur when one or more gates switch. The switching of a given gate can 
affect the neighboring lines in two ways. First, the delay may be unpredictable since 
the effective coupling capacitance may be large or small depending on the switch­
ing characteristics of the neighboring lines. Second, noise may be injected into the 
neighboring lines and upset their logic values. These two problems became serious 
issues in 0.25 µm designs, and continue to plague designs at 0.18 µ,m and below. To 
combat this problem, designers will space out the wires to reduce capacitance. In 
addition, new low-k dielectrics are under development to replace oxide as the insu­
lating material between metal lines. 

If this is not enough, recently, the issues of self and mutual inductive effects 
have been encountered. In the power grid, an additional voltage drop of Ldi/ dt is 
observed in addition to the aforementioned IR drop. This term is important due to 
the large rates of change of the current see11 in advanced high-speed designs. There 
are also documented occurrences of mutual inductive coupling effects in multibit 
busses which have led to intermittent failures in the design. A realistic scenario for 
the power and signal lines today is illustrated in Figure 1.19. Not shown due to the 

Figure 1.19 
Power and signal lines in DSM logic circuits. 
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complexity of the diagram are the capacitive and inductive coupling between wires. 
Given all of these issues> it is no wonder that many feel that interconnect is truly 
more important than the devices in deep ~ubmicron technology. 

1.5 Computer-Aided Design of Digital Circuits 
Prior to 1970, electronic circuits were analyzed and designed almost exclusively by 
hand, a situation that is reflected in the content of textbooks from that era. Rapid 
growth in the feasible complexity of integrated circuits has made computer aids 
essential to the design process today. 

In the 1980s and early 1990s, CAD tools revolutionized the way that circuits 
were designed. Broadly speaking, there are two categories of design tools: front-end 
and back-end tools. The front-end tools take a high-level description of the design 
and translate it to a gateMlevel design via logic synthesis. The back-end too]s take the 
gate-level design and carry out the physical design to produce a layout containing 
the geometric artwork in GDS-II format. This flow which is intended for application~ 
specific integrated circuits (ASIC) is a highly automated process. While this flow 
does not produce the highest performance ICs, it does a11ow designs to be imple­
mented in a short time frame. 

The other extreme relative to the ASIC flow is the custom IC design flow. Here, 
the designer is handcrafting almost every transistor. However, there is extensive use 
of repetitive structures for memory and datapath designs. The custom design process 
produces the highest performance designs, but it can be time-consuming since the 
circuits are handcrafted rather than being automatically generated. The purpose of 
this book is to describe the necessary details of circuit design to allow you to carry 
out custom design where required, and ASIC design wherever possible. 

Figure 1.20 illustrates the complexity of a deep submicron physical design flow. 
Description of all the types of computer-aided design tools is beyond the scope of 
this book However, we provide this generalized flow so that the reader can refer 
back to it when a particular tool is described in this book. 

1.5.1 Circuit Simulation and Analysis 
We will make extensive use of one type of software tool that is useful for cell library 
characterization and custom IC design: the circuit simulator. The program used for 
the examples in this book is SPICE, the most widely used circuit simulator. SPICE 
can perform nonlinear de, large-signal time domain (transient), small~signal freM 
quency domain, and other types of simulations. The de and transient analysis capa­
bilities are of greatest interest for digital circuit studies. 

The internal numerical accuracy of programs such as SPICE is high; errors sel­
dom exceed 1 %. The accuracy of SPICE simulation in predicting circuit perfor­
mance depends entirely upon how completely and correctly the input data describe 
the real physical circuit. There are two aspects to this issue. First, we must have a 
mathematical or numerical model that adequately represents each physical device. 
Usually the model for a device is stated as equations that relate voltages and cur-
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rents. For instance, the model equation for a single linear resistor is i(t) v(t)IR, 
and for a single linear capacitor, i(t) C dV!dt. Model equations for transistors are 
much more complex, because these devices exhibit nonlinear resistive and capaci­
tive characteristics. Second, we must have practical means for determining numer­
ical values applying to each device, for instance, Rand C for the examples just cited. 

The next few chapters devote much attention to the models used to represent 
integrated circuit devices, including the simplifications and approximations that are 
a practical necessity in the development of these models. Also described are means 
of measuring or calculating device parameters in forms suitable for hand analysis 
and computer simulation. By working carefully, one can usually obtain simulation 
results that are within ± 20% of measurements for propagation delays and other 
transient characteristics. 

Shortly after learning how to use a computer circuit simulator, many students 
develop the mistaken idea that skill in hand analysis is no longer necessary. Com­
puter simulation appears to be much quicker and more accurate than hand analysis, 
especially for complex circuits with many nonlinearities. However, even when a 
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fully defined circuit is under study, hand analysis before starting computer simula­
tion is mandatory. For instance, hand analysis is the best means for determining an 
appropriate simulation time interval, as well as driving pulse duration and rise time, 
before first simulation of a given circuit. It makes no sense to use a driving pulse 
100 ns wide for simulation of a circuit that has a 100 ps rise time! Hand analysis also 
helps focus attention on possible model limitations and parasitic elements that may 
require special care in the parameter determination phase before circuit simulation. 

Throughout this text, hand analysis will be used for a quick first-order approx­
imation in which allowable errors may occasionally be as much as :t 50%. One 
important aim is to develop some skill at making good engineering approximations. 
These approximations can lead to results that have much more acceptable accuracy, 
as will be seen in the chapters to follow. Choices of circuit configuration and initial 
values of circuit parameters will be determined by hand. A scientific calculator is an 
essential tool in the hand-analysis phase. 

Simulation will be used to improve on the accuracy of hand analyses and to 
refine the choice of device parameters in design work. Note that simulation should 
not be used to design circuits but rather validate results and intuition, If hand analy­
sis and simulation are wildly different, then either the analysis is wrong or the input 
to the simulator is wrong, or both. In order to guarantee the proper results from 
the simulator, we will need to examine transistor models that are suitable for this 
purpose. The emphasis in our study of simulation techniques is on developing 
familiarity with commonly used device models and on determining the model 
parameters needed for analysis and design of modern digital integrated circuits. 

There is much emphasis in the circuit design literature on the creation of new 
circuits that are "better" in some context than previous circuits. Many new design­
ers would like to invent a clever circuit that demonstrates their insight and abilities. 
However, there is a lot to be said for using well-known and well-understood circuit 
topologies because the CAD tools are readily available for mainstream design tech­
niques. Furthermore, getting a working chip to market quickly is perhaps the most 
important design specification today. In industry, the focus is on getting circuits to 
work reliably across large process variations, supply variations, temperature varia­
tions, in the presence of signal integrity issues, and over the lifetime of the chip. 
Tools like SPICE prove to be extremely useful for this purpose. 

*1.6 The Challenges Ahead 
Many of the issues in deep submicron remain unresolved today. There are a num­
ber of significant challenges in the years ahead in process technology, design tech­
nology, and computer-aided design tools to continue scaling according to Moore's 
Law. This section describes some of the key issues to provide the reader with a per­
spective on what design challenges exist today, and what lies ahead. The issues are 
quite advanced and many of the terms used will not be elaborated further in this 
section. However, it is intended to familiarize the reader with the issues and to moti­
vate the topics in the rest of the book. 
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Table 1.2 
Technology roadmap based on the ITRS 

Techttolpgy 
.Year Node (nm) 

1995 350 3.3 0.6 75 10M 

1997 250 2.5 0.55 so 20M 

1999 180 1.8 0.5 35 40M 

2001 130 1.2 0.4 22 100M 

2004 90 1.0 0.35 20 250M 

2007 65 0.7 0.3 14 SOOM 

2010 45 0.6 0.25 11 18 

2013 32 0.5 0.22 10 28 

2016 22 0.4 0.2 9 48 

We begin with the semiconductor technology roadmap shown in Table 1.2. 
This is based on the International Technology Roadmap for Semiconductors (ITRS) 
but has been simplified to convey the key messages.7 In this table, the values for the 
technology node, supply voltage, threshold voltage, oxide thickness, and expected 
number of transistors on the chip are reported. Each technology node, representing 
the minimum line width, is scaled by a factor of 0.7 relative to the previous node. 
In order to maintain constant fields and low-power dissipation, the supply voltage 
is also reduced. The threshold voltage is reduced but not at the same rate as the 
other factors. The same is true for the oxide thickness. In the final column, the num­
ber of useful transistors that can be integrated on one chip are reported. According 
to this projection, we will see a billion (IB) transistor chip before the decade is out! 

Unfortunately, the path to 1B transistor chips is not straightforward. The first 
major problem is to generate the fine line widths that are projected in the technol­
ogy node column. The limits of techniques such as optical proximity correction 
(OPC) and phase-shift masks (PSM) may soon be reached. A new generation of 
photolithographic equipment will be necessary. The table also reports that the oxide 
thickness beyond 2010 is roughly 10 A, an extremely small value. The oxide is sup­
posed to act as an insulator, but current tunneling through oxide occurs at much 
higher oxide thicknesses. This gives rise to a gate current that is not permitted in the 
classical operation of the MOS transistor. High-k dielectrics are under development 
to replace oxide as the gate insulator. 

A second major issue facing the industry is the rapid increase in the subthresh­
old current. This is the current flowing through the transistor when it is nominally 
off, often called the J0 ff current. In this context, the current when the transistor is on 
is referred to as the J

00 
current. Ideally, we would like to have a high J011 and a very 

7 Complete documentation on the ITRS may be found at the website http://public.itrs.net. 
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low Joff· If I0 ff is large for a single transistor, then having a few hundred million 
devices leaking current would produce an unacceptably large static power dissipa­
tion. There is a tradeoff between these two requirements, since both of these cur­
rents depend on (Vcs - Vy), If this value is large, both I0 n and I

0
ff are large. How­

ever, if it is small, both currents are small. As we scale Vvv, it is not possible to scale 
Vyas quickly since the I

0
ffcurrent reaches unacceptable levels. On the other hand, a 

larger VT makes I0 n smaller. 
Further problems exist in terms of mobility degradation, dopant profile control 

in the channel region, substrate currents, and device reliability, both short term and 
long term. Another set of issues surround interconnect. The switch to copper and 
low-k dielectrics is continuing to encounter problems. Achieving low-k dielectrics 
in the range of 2 will be difficult. Reliability issues of copper vias, self-heating 
effects, the thickness of the barrier layer versus the copper material, and antenna 
effects are still under investigation. Technology advances are necessary with new 
materials and device structures, such as high-k dielectrics, fin-Jets ( dual-gate Jets), 
vertical transistors, strained-silicon, and silicon-on-insulator (SOI) to address these 
problems. 

In the design arena, there are a number of thrust areas in the near future. As 
supply voltages shrink, designing digital circuits and mixed analog/digital circuits 
with very small values of Vvv presents a challenge. This is especially true in dynamic 
circuits, where logic values are determined by the amount of charge on a capacitor. 
As the supply voltage is reduced, the stored charge will be small. With larger sub­
threshold leakage currents, coupling noise, etc., it will be a challenge to get these cir­
cuits to operate properly. In addition, standard CMOS designs will continue to deal 
with process variations, capacitive and inductive coupling issues, supply fluctua­
tions due to IR and Ldi! dt effects, and chip-wide timing synchronization. 

As mentioned earlier, dynamic power is continuing to increase with each gen­
eration of technology. The reason for this is shown in Figure 1.21. The supply volt­
age is decreasing with each technology node. However, increases in performance 
can only be achieved with a corresponding increase in current. This results in an 
increase in the overall power. Furthermore, subthreshold current must be reduced 
using circuit design techniques in the near term, such as source degeneration or 
multi-Vy CMOS. Note that the historical rate of power increase can not be followed 
after 2005 due to economic, thermal, and packaging considerations. Today, per­
formance is still the most important design objective. Over the next few years, low­
power design methods will become more important than performance. 

Another looming issue is the recurring problem of design productivity. While 
the ITRS forecasts 1B transistors by 2010, the design of chips with this staggering 
number of gates will take more time and more resources than in previous genera­
tions. A major productivity gap exists today due to the unprecedented levels of 
integration possible, and continues to widen as technology shrinks. One view of this 
productivity gap is shown in Figure 1.22 from ITRS. It shows the growth of logic 
transistors on a chip in the upper graph (58%) and the increase in productivity in 
the lower graph (21 %). The difference between the two lines is known as the pro­
ductivity gap. 
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Below the graph is a rough estimate of the cost to design a SOM transistor chip 
in the year 2003. The total is roughly $10M-$15M U.S. If we are to make use of all 
of the available transistors on a chip and deliver products within a given market 
window, new design methodologies and tools are needed to carry out these large 
designs. The semiconductor industry is promoting a new approach to design that is 
dubbed "system-on-a-chip with intellectual property" (SOC/IP). 

The key idea in SOC/IP design is that chips can be constructed rapidly by using 
third-party and internal IP blocks. The term IP refers to predesigned, reusable 
behavioral or physical descriptions of standard components. They are also referred 
to as IP cores or virtual components, or simply cores. Productivity improvements are 
accomplished through re-use methodologies. This is yet another paradigm shift 
from logic-level design in the 1970s, VLSI design in the 1980s, and block-based 
design of the 1990s. Figure 1.23 illustrates the SOC design process in a simplified 
form. The SOC is constructed using a combination of existing IP and user-defined 
logic (UDL). The user-defined logic can itself be comprised of newly designed 
blocks and some reusable blocks, as well as memory. The memory is generated with 
a memory compiler so it is considered to be a "reusable" block. Using this approach, 
designs can be assembled hierarchically with a much greater productivity level than 
before. 

An example of an SOC design is shown in Figure 1.24. It contains a processor 
core (MCU), a number of digital signal processing cores (DSP), user-defined logic 
(UDL), some compiled memories (ROM, RAM), and an analog IP core. Since the 
cores are predesigned blocks, and the logic and memory portions are synthesized 
automatically, this design can be constructed with greater productivity than in pre­
vious generations. 

Of course, any new methodology must have a new set of CAD tools, standards, 
and design flows associated with it. Designers must adopt this new way of design­
ing chips. There are business issues of "make versus buy," licensing, learning curves, 
and costs, to name a few, that are barriers to the success of SOC design. These issues 

Newly designed portion 

Figure 1.23 
System-on-chip design hierarchy 
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ROM 

DSP 

RAM 

will require time to resolve, but this is the direction that the industry has aggres­
sively undertaken. In one form or another, this SOC design philosophy will emerge 
to propel the semiconductor industry forward to fully utilize the billion transistors 
available on a chip in the future. 

1.7 Summary 
Back in the 1970s, gate-level design techniques allowed the designer to start think­
ing of digital circuits at a higher level. In the VLSI era, the chip designer became a 
system-level designer and made use of ASIC design flows to implement chips (typ­
ically using a third party). As technology continued to scale, the problems of deep 
submicron emerged that required close interaction between the system-level design 
and the physical design teams to produce working circuits. With the advent of system­
on-chip technologies, the chip designer continues to move to higher and higher lev­
els of abstraction. However, the issues of deep submicron that have been overviewed 
in this chapter are forcing designers back to the silicon level. The designers of 
tomorrow must be able to design working chips in the presence of all the issues 
described above in a cost-effective and timely manner. A design gap exists today 
because of the trend to move to higher and higher levels of abstraction, while the 
problems actually lie at the lower levels. As such, this textbook serves to bridge 
the design gap by going back to the fundamentals of circuit design. It is hoped that 
the integrated circuit designers of tomorrow are well-equipped for the upcoming 
challenges upon reading and studying this material. 

REFERENCES 
1. J. Rabaey, A. Chandrakasan, and B. Nikolic, Digital Integrated Circuits-A Design Per­

spective, 2nd ed., Prentice-Hall, New Jersey, 2003. 

2. N. Weste and K. Eshraghian, Principles of CMOS VLSI Design, Addison-Wesley, Reading, 
MA, 1993. 

3. H. Veendrick, Deep-Submicron CMOS !Cs, 2nd ed., Kluwer Academic Publishers, Boston, 
2000. 

4. M. Keating and P. Bricaud, Reuse Methodology Manual, 3rd ed., Kluwer Academic Pub­
lishers, Boston, 2002. 

ONSEMI EXHIBIT 1038, Page 52



32 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

5. H. Chang et al., Surviving the SOC Revolution, Kluwer Academic Publishers, Boston, 
1999. 

6. D. D. Gajski, Principles of Digital Design, Prentice-Hall, New Jersey, 1997. 

7. S. Edwards, Languages for Digital Embedded Systems, Kluwer Academic Publishers, 
Boston, 2000. 

8. W. Wolf, Modern VLSI Design: System-on-Chip, 3rd ed., Prentice-Hall, New Jersey, 2002. 

9. ITRS 2001 documents, http://public.itrs.net. 

PROBLEMS 
Pl. 1. Simplify the following functions and express each (a) as a sum of prod- · 

ucts and (b) as a product of sums: 
- - -

(i) F = CBA + CBA + CBA + CBA 

(ii) F = DCA + DCA + DCA + i5CA 

Pl. 2. A light in a long hallway is to be controlled by three switches A, B, and 
C. If the switch is up, its logic value is 1. If an odd number of switches 
are up, the light is on; if an even number, the light is off. Design the logic 
circuit for F (F = 1 for light on) from A, B, and C (a) as an all-NAND 
circuit and (b) as an all-NOR circuit. 

Pl. 3. Implement the following functions using only NAND, NOR, and INV: 

(a) F =AB+ BC 

(b) F = A EB B EB C 

Pl. 4. A "half adder" has the following truth table: 

0 1 

0 1 

0 

Table P1.4 

0 

0 

(a) Using Karnaugh Map (K-Map) techniques, transform this table 
into two Boolean expressions, one for Sum and one for Carry. 

(b) Sketch the associated gate equivalent for (a). 

Pl. 5. Design the "full adder" truth table and repeat steps (a) and (b) as in 
Problem P 1.4. 

Pl. 6. Find the complement of the following functions by applying DeMor­
gan's Law: 

(a) F = ABC+ ABC+ ABC 

(b) F = ABC + ABC 
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Pl. 7. An inverter has a measured delay of 2 ns. 

(a) If five identical inverters are connected in series as shown in Figure 
Pl.7a, what is the delay from a to b? 

a b 

Figure Pl.7a 

(b) If the a and bare now connected as shown in Figure Pl.7b, such 
that the voltage at a will now oscillate like a clock, 

a b 

Figure Pl.7b 

(i) What is the period of oscillation? 

(ii) What is the frequency of oscillation? 

Pl. 8. A step input from O V to 1.2 V is applied to the RC circuit as shown in 
Figure Pl.8. Calculate the time required for the voltage across the capac­
itor to: (a) reach 0.6 V, (b) reach 1.2 V, (c) go from 10% to 90% of 1.2 V. 

12.5 kQ 

+ 
lOOfF 

Figure Pl.8 

Pl. 9. A switch is used to control a capacitor's connection to either V00 or Gnd 
through a resistor as shown in Figure Pl.9. The resistor connected to 
VDD has a resistance of 30 kO while the resister connected to Gnd has a 
resistance of 12.5 kO. 

(a) If the switch has been connected to R2 for a long time, so that the 
capacitor's voltage is O V, and the switch is then connected to RI at 
t 0, calculate the time it takes for the capacitor's voltage to reach 
0.6 V (V0DJ2). 

(b) If the switch has been connected to Rl for a long time, so that the 
capacitor's voltage is 1.2 V, and the switch is then connected to R2 
at t = 0, calculate the time it takes for the capacitor's voltage to 
reach 0.6 V (Vv0 12). 

(c) Calculate the ratio of delays between (a) and (b). 
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Vvv = l.2 V 

+V 

RI 
30kQ 

R2 f 12.5 kQ -= 

Switch 

+ Cload I JµF 

Figure Pl.9 

Pl. IO.In a 0.18 µ.,m technology, a chip is designed with 1 cm by 1 cm dimen­
sions containing 50 million transistors. At 0.13 µ.,m, how many transis­
tors can be integrated on the same chip according to Moore's Law? 

Pl. 11. If the current high-speed desktop processors run at 2 GHz (109 Hz), and 
if the processor speeds doubles every technology node, how many tech­
nology nodes will it take for processors speeds to reach 30 GHz? If the 
time between each technology node is 3 years, how long will this take? 

Pl. 12. A capacitor C with an initial voltage of O V is suddenly connected to a 
current source I as shown in Figure Pl.12. If the capacitor has a value of 
25 fF, how large must the current source be so that the voltage across the 
capacitor reaches 0.6 V in 30 ps? Express the answer in mA. 

Figure Pl.12 
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2.1 Introduction 
This chapter focuses on the semiconductor devices used in mainstream integrated 
circuits. MOS devices, pn junctions, and device capacitances are all covered here. We 
will spend much of this chapter examining basic physics and modeling of MOS 
transistors. It is an important chapter in that it lays the foundation for many of the 
design equations to be used throughout the book. Of course, it is difficult to have 
complete coverage of the background needed to grasp the device physics in one 
chapter. Readers who are unfamiliar with the terms and concepts presented here 
should consult the references for the prerequisite material. It is expected that many 
students embarking upon a study of this text will have had a course in semicon­
ductor devices, including the MOS transistor. However, even these students should 
study this subject matter because the emphasis is on the specific characteristics of 
MOS devices that are important to VLSI digital circuit design. 

CHAPTER 

2 

35 
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We begin with MOS device characteristics that lead to the derivation of the 
threshold voltage equation, current equations, and capacitance models. MOS tech­
nology is the basis for most of the very large-scale integrated (VLSI) digital mem­
ory and microprocessor circuits. Jt is the dominant technology in the IC industry 
today, with bipolar technology a distant second. The most important advantage of 
MOS circuits over bipolar circuits for VLSI is that more transistors and more circuit 
functions may be successfully integrated on a single d1ip with MOS technology. An 
individual MOS transistor occupies less chip area and transistor scaling continues 
to increase the chip density by a factor of two with each new generation. As a result, 
MOS VLSI circuits are significantly cheaper to manufacture than bipolar circuits of 
equivalent function and, consequently, MOS VLSI circuits make up a dominant 
percentage of the total market for digital ICs. 

The first MOS circuits, made in metal-gate p-channel (PMOS) technology in 
the early 1970s, required special supply voltages and fun ctioned only at very low 
digital data rates. The change to n-channel (NMOS) silicon-gate technology and 
other improvements resulted in LSI circuits that required only a single standard 
supply and operated at much higher data rates. In NMOS technology, all gates on 
the chip were constructed from two types of n-channel transistors. One type of 
device had a turn-on voltage above0 V This device was referred to as an enhancement­
mode device. The other type of device had a turn-on voltage that was less than 0 V, 
which implied that it ,,vas always on. This was the depletion-mode device that played 
a supporting role on the chip since it could be used as a load resistor for the logic 
gates. Many chips were designed in NMOS technology and, in fact, this technology 
dominated the decade of the l970s. 

Since the early 1980s, complementary MOS (CMOS) ha~ been the most preva­
lent MOS technology. This technology provides bolh 11- and p diannel devices in 
one chip at the expense of some increast· in fol>rirn1 iou 1..urnplexity and chip area 
compared to basic NMOS. The great advantage of CMOS digital circuits is that they 
may be designed with low static power consumption in the steady-state condition. 
Power is consumed prin1arily when circuits switch between the two logic states; the 
average CMOS power consumption is much smaller than for NMOS circuits. In 
fact, the power consumption problems of NMOS led to a wholesale conversion of 
the industry from NMOS to CMOS. Today, CMOS is widely used in almost every 
type of microelectronic application including personal computers, personal digital 
assistants, cell phones, Internet applications, and a variety of other communication 
equipment. 

The analysis and design of integrated circujts depends heavily on the use of 
suitable mathematical models for the devices. This is true in hand calculations, 
where fairly simple models are generally used, and in computer analysis, where 
much more complex models are utilized for high accuracy. The importance of 
"back-of-the-envelope" or hand calculations cannot be overemphasized. Designers 
must be able to gain quick insight into a new circuit configuration in terms of 
speed, power, and area, as well as many other important characteristics. If a simple 
model is not available, then design becomes an iterative process witl1 a CAD tool. 

Since any analysis or design is only as accurate as the models, it is essential that 
the circuit designer have a thorough understanding of the models commonly used 
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MOS TRANSISTORS 37 

and the degree of approximation involved in each. If we know the detailed models, 
and the approximations used to derive the simple models, we can safely use the sim­
plified models and gain a tremendous insight into the behavior of complex devices. 
Keep this in mind as you work your way through the material in this chapter. 

2.2 Structure and Operation of the MOS Transistor 
A simplified view of an n-channel polysilicon-gate MOS transistor is shown in Fig­
ure 2.1. In simple terms, there are two operating modes for this transistor: on and 
off. This is true of all transistors. We must use the terminals provided on the device 
to place it in these two possible conditions. The four terminals are the gate, drain, 
source, and bulk (or body, or substrate). The schematic symbol for the NMOS device 
is shown with these four terminals labeled as G, D, S, and B, respectively. In the on 
condition, electron current flows from source to drain. In the off condition, no 
current flows in the device. To turn it on, a voltage is applied to the gate node to set 
up an electric field that creates a conductive channel between heavily doped n-type 
(n+) source and drain regions,1 and current flows when a potential difference exists 
between these two nodes. 

Poly gate 

Source i 

L 

p substrate 

Bulk 

Figure 2.1 
NMOS transistor structure and symbol. 

Drain NMOS 

D 

s 

1 The notation n+ implies doping >1018/c:m3, n- implies doping <10 15/cm3
1 and n is not specific, The same 

convention applies for designations of p~type material. 
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Since it is based on the use of an electric field, the device is one form of field­
effect transistor (FET). Note that the gate is completely insulated from the other 
electrodes. This fact leads to the designation insulated-gate field-effect transistor 
(IGFET). Another name, although much older, is unipolar transistor. This name 
arises from the fact that only a single type of charge carrier (electrons in NMOS) is 
necessary for device operation. The mobile holes in the p-type substrate of an 
NMOS transistor are not involved in normal transistor operation. A variety of 
terms have been used to reference th.is device including FET, IGFET, MOS1~ and 
MOSFET. We will use the more recent terms, MOS transistor or MOS device, NMOS 
device, and n-channel transistor, when referring to the device in Figure 2.1. 

As mentioned in Chapter 1, the acronym MOS is derived from the metal-ox:ide­
semiconductor structure that forms the gate of the device. ln the early days of 
PMOS technology, a metal gate was used but it was difficult to align the metal over 
the channel precisely. An offset in one direction or the other would create a non­
functioning transistor (either a shmt or an open). To overcome these alignment 
problems, a polycrystalline silicon material was introdL1ced to serve as the gate. This 
so-called poly gate would be deposited before the source and drain material. When 
the source and drain diffusions were created, they would align with the gate, rather 
than the other way around. The yield of such devices went up significantly com­
pared to metal-gate technology, and today, polysilicon is used almost exclusively as 
the gate material. It is heavily doped to keep its resistance low since it is supposed to 
behave like a metal material. 

The device structure shown in Figure 2.1 is formed by a complex sequence of 
steps including oxidation, pattern definition, diffusion, ion implantation, and mate­
rial deposition and removal processes. In the fabrication process, horizontal device 
dimensions are made as small as possible with the available technology .in order to 
maximize both circuit density and high-speed performance. A corresponding 
reduction in the vertical dimensions is also necessary to maintain field levels. A 
description of the processing sequence is presented in Chapter 3. 

The final sh·11ch1re has a n umber of features that deserve mention. The most 
important horizontal dimension is channel length L, shown in the figure. Typical 
values of L today are in the range of 350 nm to 90 nm. This dimension will continue 
to scale according to Moore's Law in the years ahead. Perpendicular to the plane of 
the figure is the channel ·width w: typically much larger than the minimum length, 
depending on the desired current-handling capability. Gate oxide thickness tax, the 
most important vertical dimension, is typically less than 5 nm (SO A). Today it is 
below 25 A. As we shall see, gate length and width and gate oxide thickness are 
major parameters in determining the electrical characteristics of the MOS transis­
tor. The other vertical parameter shown is the junction depth, xj, which is of the 
order of 70 nm to 150 nm today. 

The body, or substrate, is a single-crystal silicon wafer that is the starting mate­
rial for circuit fab1icaL-ion and provides physical support for the final circuit. The 
p-type substrate doping density is a factor in device electrical behavior, as described 
in the next section. The silicon surface is comprised of active and field regions. The 
active region contains the transistor, while the field region serves to isolate transis-
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MOS TRANSISTORS 39 

tors. The main requirement on the field regions is that they should never permit 
conduction between separate active regions. In NMOS, all conduction is via elec­
trons, so the field region fulfills its purpose if electrons can never pass through it. In 
addition, a thick layer of silicon dioxide over the field regions is used to minimize 
unwanted capacitance from interconnecting metal to the body. 

The transistor regions in the body comprise n+ source and n+ drain regions 
separated by p-type material in the channel region. Typical devices are symmetrical, 
just as the one shown in Figure 2.1; source and drain are interchangeable. Strictly 
speaking, the source o~d drain can be only identified after the polarities of applied volt­
ages are established. In NMOS, the more positive node is defined as the drain. With 
no external voltages applied, the path from drain to source has two pn+ junction 
diodes in series, back to back, with the body as a p region common to them. These 
junctions should never be forward-biased. In fact, the subtrate should be connected 
to the lowest possible potential in the circuit, typically a ground potential, called V55 
or Gnd. The only current that is permitted to flow across the junctions is diode 
reverse leakage current. 

Now consider the result when source, drain, and body are all tied to ground and 
a positive voltage is applied to the gate. From simple concepts of electrostatics, a 
positive gate voltage will tend to draw electrons from the substrate into the channel 
region. The n+ source and drain regions also provide nearby copious sources of 
electrons. Once electrons are present in the channel region, a conducting path is 
present between drain and source. Current will flow from drain to source if there is 
a voltage difference between them. That is, electrons will flow from source to drain 
in this condition. 

To first-order, the conducting channel does not form for very small positive 
gate voltages. The electrostatic potential at the surface of the p-type material in the 
channel region must be made positive by application of a larger gate-source voltage. 
The gate voltage needed to initiate formation of a conducting channel is termed 
the threshold voltage VT. This important device parameter is analyzed in the next 
section. 

Now consider the structure of the device in Figure 2.2, called the p-channel or 
PMOS device. It has complementary characteristics to the NMOS device. While the 
structure is the same as the NMOS device, the doping is opposite. The heavily doped 
regions in the body comprise p+ source and p+ drain regions separated by lightly 
doped n-type material in the channel region. Again, the source and drain are inter­
changeable and can be identified only after the polarities of applied voltages are estab­
lished. In PMOS, the more positive nnde is defined ns the sourrc This is represented in 
the schematic of Figure 2.2 by reversing the positions of the source and drain. 

The substrate is an n-type material that must be created in advance of placing 
the source and drain regions. It is often referred to as an n-well or n-tub, especially 
if it is created in a silicon wafer that is initially doped with a p-type background 
material. In this case, it would be called an n-well process. If both n-channel and 
p-channel devices are created in their own wells, it is referred to as a double-well 
or twin-tub process. Again, the path from drain to source has two p+n junction 
diodes in series, back to back, with the body as an n region common to them. The 
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Figure 2.2 
PMOS transistor structure and symbol. 

PMOS 

s 

D 

only current that can flow is diode reverse leakage. They should never be forward­
biased. Therefore, th.: 11-well must be tied to the highest voltage in the system, called 
VDD· In a twin-tub process, the p-well must be tied to Gnd or V55 for the same rea­
son. These co;nnections of the wells to V 0 0 or Gnd are sometimes referred to as tub­
ties or well-plugs. 

Consider the p-cbannel device when source, drain, and body are all tied to VoD· 
If a low voltage is applied to the gate, it will tend to draw holes into the channel 
region. Once holes are present in the channel region, a conducting path is present 
between drain and source. Current will flow from source to drain if there is a volt­
age difference between them. That is, holes will flow from the source to the drain if 
the drain has a lower potential than the source. By definition, the source is the ter­
minal with the higher potential in PMOS devices. In effect, the PMOS device has a 
negative threshold since the gate must be at a lower voltage than the source to invert 
the channel. 

The fact that the p-channel device has a negative threshold, and is therefore 
opposite to the NMOS device, is captured in the symbol for the device by placing a 
circle on the gate input. Many books use a slightly different symbol for thjs device, 
but we will use this one consistently throughout the book. 

NMOS and PMOS transistors that have no conducting channel at zero gate­
source voltage are termed enhancement-mode devices, meaning that gate-source 
voltage of the same polarity as drain-source voltage (positive for NMOS, negative 
for PMOS) is required to initiate conduction. NMOS depletion-mode devices have 
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Figure 2.3 
CMOS transistors structure. 

negative thresholds, but in CMOS designs, we rarely (if ever) use depletion-mode 
devices today. 

Figure 2.3 shows a cross-sectional view of a modern silicon-gate CMOS struc­
ture. While it is not drawn to scale, it represents the typical profile after fabrication 
of a twin-tub CMOS process, the details of which are left to Chapter 3. We now 
know that the PMOS devices are symmetrical but opposite to NMOS devices in 
terms of doping and voltage polarities. In CMOS circuits, all devices are assumed to 
be enhancement-mode devices. They are separated by oxide regions using a method 
called shallow-trench isolation (ST!). The NMOS device has a positive threshold 
voltage while the PMOS device has a negative threshold voltage. The equations to 
be derived in the sections to follow are based on the NMOS device, but apply 
equally to the PMOS device after the appropriate sign changes. 

2.3 Threshold Voltage of the MOS Transistor 
In order to fully understand the mechanisms behind the threshold voltage deriva­
tion, we must examine the energy-band diagram of a material as shown in Figure 
2.4. This diagram is a representation of the allowable energy states for electrons. 
Two distinct levels are defined: the conduction band, E0 and the valence band, EV' 
In order to have electrical conduction, an electron must move from the valence 
band to the conduction band and, in doing so, must surmount the bandgap associ­
ated with the material. In metals, the two energy levels overlap making the bandgap 
effectively zero; electrons can freely move from one band to another. In insulators, 
the energy levels are very far apart aud the barrier is insurmountable. In semicon­
ductors, the gap is relatively small, 1.1 eV for silicon. Since there are no allowed states 
in the bandgap region, electrons must have enough energy to jump from the valence 
band to the conduction band. However, since the gap is relatively small, energetic 

ST! 
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Ee - _____________ ...:,_ Conduction band 
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Figure 2.4 
Energy-band diagram for doped p-type silicon. 

electrons are able to surmount this barrier from time to time due to thermal exci­
tation. 

In an undoped semiconductor, the total number of electrons that are able to 
surmount this barrier is termed the intrinsic carrier concentration, n;, This depends 
on the number of available states in the conduction band and the probability of 
occupancy of these states, which depends on the temperature. For example, n; at 
room temperature is 

n; = 1.45 X 1010/cm' (2.1) 

The relationship between the intrinsic carrier concentration and the holes and elec­
trons at equilibrium is given by the mass action law: 

np = n; (2.2) 

where n is the mobile electron concentration and p is the mobile hole concentra­
tion. This equation tells us that the mobile electrons and mobile holes must have 
equal concentration in undoped silicon at equilibrium. To represent this on the 
energy band diagram, we define the intrinsic Fermi level as a line where the proba­
bility of electron occupancy of an empty state is 50%. This is denoted E; in Figure 
2.4 and is located roughly midway between the conduction baud and the valence 
band. 

More generally, the probability of electron occupancy of an allowable state is 
based on the doping level in the semiconductor. As we increase the doping level, NA' 
of silicon with p-type acceptor impurities such as boron, the probability of electrons 
in the conduction band is reduced and the actual Fermi level (50% probability 
point) shifts below the intrinsic Fermi level. This is because we are adding holes to 
the semiconductor and reducing the likelihood that an electron will surmount the 
barrier. The mass action law can be used to support this fact. If p = NA > > n;, then 
the mobile electron concentration is reduced to 

n' , 
n=-

NA 
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which is much smaller than n;, Since there are fewer mobile electrons, the probabil­
ity that the empty states in the conduction band will be occupied decreases. 

The amount of shift in the Fermi level due to the doping is called the electro­
static potential. Conventionally, the equilibrium electrostatic potential c/>r in a semi­
conductor is defined as the difference between the intrinsic Fermi level and the 
actual Fermi level in the p-type or n-type doped semiconductor:' 

or 

,1. = kT In n; 
'l'Fp q p (2.3a) 

kT n 
c/>r,, = - ln - (2.3b) 

q n; 

where the equilibrium majority mobile carrier concentration is assumed to be equal 
to the doping concentration p = NA for p-type material, or n = N0 for n-type 
material. 

The kTI q term is called the thermal voltage, V, 11 , which is'approximately 26 m V 
at room temperature. (Do not confuse this with the threshold voltage, Vy, which is 
a completely different quantity!) By convention, q>p is negative for p-type semi­
conductor material and positive for n-type material. For example, in a p-type mate­
rial, we would have: 

kT n; 
¢Fp = -ln-N 

q A 
(2.4) 

Since NA is the doping level in the p-substrate, and the value of NA > > n;, the elec­
trostatic potential is negative. 

Now that the energy band diagram has been reviewed, its application to the 
threshold voltage derivation can be described. Recall that the MOS structure is 
comprised of a metal material (polysilicon), a gate oxide, and the silicon body. The 
gate and body of the MOS transistor form the plates of a capacitor with silicon diox­
ide, SiO2, as a dielectric. The gate-oxide capacitance per unit area is defined as: 

(2.5) 

where s,x is the permittivity of oxide and t"" is the oxide thickness. 
The threshold voltage for a long-channel enhancement-mode NMOS device 

can be derived using the transistor cross-section shown in Figure 2.5. Consider the 
body, source, and drain connected to ground and a voltage VGs (initially zero) 
applied to the gate. As V GS changes from zero to a positive value, positive charge 
accumulates on top of the gate and negative charge accumulates as electrons in the 
substrate under the gate. This actually happens gradually as the gate voltage moves 

i p~type silicon is obtained by adding acceptor impurities such as boron, n~type silicon is obtained by adding 
donor impurities such as phosphorus or arsenic. 
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Idealized NMOS device cross section with positive voltage applied showing depletion regions and 
the induced channel. 

from O V to the threshold voltage. Initially, the negative charge in the p-type body is 
manifested by creation of a depletion region3 in which mobile holes are pushe<l 
down under the gate, leaving behind negatively charged immobile acceptor ious. 

As the gate voltage continues to increase, the depletion-layer thickness increases 
and eventually an initial layer of mobile electrons appears at the surface of the sili­
con in the so-called weak inversion condition. Further increases in the gate voltage 
increases the concentration of the mobile carriers in the channel until the con­
centration of electrons at the surface equals the concentration of holes in the sub­
strate, a condition known as strong inversion.4 For gate voltages above this point, the 
depletion-layer thickness remains approximately constant while the additional 
charge on the gate is matched by additional mobile carriers in the channel region 
that are drawn from the source and drain regions-where an abundant supply of 
such carriers exists. 

The value of gate voltage V0s required to produce strong inversion is called the 
threshold voltage, Vy. We will present the main components of this voltage and then 
go back and describe the origin of each component. There are three main terms: 

1. A voltage term, ¢cc, represents the difference in work functions between the 
gate ( G) material and the silicon substrate on the channel ( C) side. The work 
function for a material is the amount of energy needed to move an electron 

3 This is the same type of depletion region that appears in a p11 junction. 
4 This is a somewhat arbitrary but important definition of strong inversion. The surfuce is inverted relative to 
the substrate since the carrier concentrations are equal and opposite. 
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from the Fermi level to free space level E0, as shown in Figure 2.6. When two 
materials with different Fermi levels are brought together into one system, 
the Fermi levels are aligned at equilibrium. The work function difference 
tells us how "misaligned" they are to begin with. When equilibrium is 
reached, the conduction and valence bands will bend to accommodate the 
work function difference. For silicon-gate devices 

¢Ge = cp G (polysi/icon gme) - cp C ($11bstrnte) 

2. There is always an undesired positive charge Q,., present in the oxide and at 
the interface between the oxide and the bulk silicon. This charge is due to 
impurities and/or imperfections such as sodium ions in the oxide, QN,'' and 
dangling bonds at the interface, Q55• We combine these two terms into one 
term called Q"" and place the equivalent charge at the oxide-silicon interface 
as in Figure 2.6. Since there is positive charge effectively on the bottom plate 
of the MOS capacitor, the top plate must provide negative charge to com­
pensate for it. Therefore, it contributes a negative quantity to the threshold 
voltage of - Q,) C,x· 

3. A gate voltage (-2</>p - Q8/C"") is needed to change the surface potential to 
tbe strong inversion condition and to offset the induced depletion-layer 
charge Qn, This is shown in Figure 2. 7. 

Now that the terms are defined, we explain the inversion process in detail. Consider 
what happens when the MOS system is first brought together. At equilibrium, there 
is a certain amount of band-bending that occurs to make the Fermi levels constant 
throughout the entire system. We need to know exactly how much band-bending has 
taken place in order to provide a meaningful reference point for the strong inversion 
condition. Tberefore, the bands are first flattened by a f1ot-lw1rl voltage, Vn,· The 
name comes from the fact that application of this voltage at the gate produces flat 

M 0 s --------------------Eo 
q<J>c 

ErG -·- ·-·-·-·-
Qox Ee 

+ 1--------l---....;:.. 
+ 
+ I- - - - - - - - - - - - .. - - - - - - - - ... - £. + ' -----'---I---'-+-·-·-·-·-·--·-·-·-·· Epp 
+ 

Ev + 
+ -

Figure 2.6 
Flat-band condition in the MOS system. 
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energy bands in the metal-oxide-semiconductor system, as shown in Figure 2.6. This 
figure shows the MOS energy band diagrams depicting the conduction band, E0 

valence band, Ev, the intrinsic Fermi level, E;, and the actual Fermi level in the p-type 
semiconductor, EFp· The work functions associated with the gate, q<I> a, and the semi­
conductor, q<I> c, are also shown here. The Fermi level in the gate material, EFG> 

depends on the doping level in the polysilicon gate material. If the gate is heavily 
doped with n+ material, the position of EFG is near Ee, However, if it is heavily doped 
with p+ material, E,-a is near Ev, For an NMOS device, usually an n+ doping is used 
in the poly gate whereas a p+ doping is used for PMOS devices. This polarity of dop­
ing is consistent with the doping of the drain and source regions, so they can be 
doped at the same time. 

The amount of band "unbending" that is needed to reach this flat-band condi­
tion is given by 

Q,x 
VFn = </>cc - -C ~, 

(2.6) 

That is, if we apply the difference between the work functions, and we compensate 
for the oxide charges, we will achieve the flat-band condition shown in Figure 2.6. 
We now have a known reference point from which to operate. 

Next, we need to bend the bands in the channel region by 2[</>Fl relative to the 
substrate,5 as shown in Figure 2.7. That is, the surface potential <f>s must be made 
equal to <f,p This will achieve the desired strong inversion condition. Then, we need 
to compensate for the exposed depletion-layer charge, Qn, due to the band-bending 
itself. The fact that we bent the bands means that the fixed charge is exposed in the 
depletion layer of thickness, Xd. 

5 We drop the electronic charge q for convenience in Figure 2.7, 

! 
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A simple analysis can be applied to find tbe depletion-layer charge by first 
determining the thickness X,i of the depletion region between the channel and the 
substrate as a function of the electrostatic potential ¢sat the silicon surface. To cre­
ate the shaded depletion region shown in Figure 2.7, mobile holes must be pushed 
back into the substrate. The thickness of the depletion layer in the p-type material 
is given by 

(2.7) 

The doping density in the p-type substrate is denoted as NA> and e,1 is the permit­
tivity of silicon. The immobile charge per unit area due to acceptor ions that have 
been stripped of their mobile holes is given by 

In order to invert the surface of the p-type semiconductor, the voltage VGs is 
used to attract mobile electrons to the channel region. As V cs is increased in the 
positive direction,6 the potential cf,5 at the silicon surface increases from its original 
(negative) equilibrium value of ¢Fp> through zero, until ¢s = -cf,Fp• Under this con­
dition the density of mobile electrons at the surface is equal to the density of mobile 
holes in the original substrate or body. The surface potential has changed by -2cf,Fp 

relative to the substrate. 
The value of V Gs needed to cause this -2¢ Fp change in surface potential is 

defined as the threshold voltage Vy for a MOS transistor. This condition is known as 
strong inversion. In essence, the semiconductor surface that is normally p-type 
becomes n-type. Further increases in gate voltage produce only slight changes in cf>s 
and the depletion-layer thickness. However, it increases the electric field across the 
gate oxide and increases the electron concentration in the channel. The additional 
electrons are drawn into the inversion layer from the strongly n-type source for 
drain, with the positive surface potential as the attractive force . 

fr '.W f • 
Band-bending at Strong Inversion 

Problem: 

A 130 nm technology employs carrier concentrations in the p-well in the range of 
3 x 1017 cm-3. Estimate the degree of band-bending required for strong inversion 
at room temperature, relative to the flat-band condition. 

6 The positive direction for the gate voltage is actually pointing downward in the energy band diagram of Fig~ 
ure 2.7, lt bends the bands downwards. The flat-band voltage is negative since it will "unbend" the bands from 
its equilibrium condition. 

Example 2.1 
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Example2.2 

Solution': 

2l<t,,PI = - In- = 2(0.026) In 17 "'0.88 V 2kTI n; I I 1.45 x 10
101 

q p 3 X 10 

As long as there is only a small voltage difference between drain and source, the 
induced layer of electrons extends continuously from sonrce to drain, producing a 
continuous region with mobile electrons. The conductivity of the channel thus 
formed can be increased or decreased ( modulated) by increasing or decreasing the 
gate voltage. In the presence of an inversion layer, and with no body bias (Vsn = O), 
the depletion region contains a fixed negative charge that may be found by using 
(2.8) together with the fact that <f,8 = -<l>r-

Q00 = -V2qNAe,; I -2</.i rl (2.9a) 

If there is a voltage \158 between source and body ( \1,,11 is normally positive for 
n-channel and negative for p-channel devices), a slight modification is required. 
The surface potential required to proJuce inversion becomes 1-2</>r + \1581 and the 
charge stored in the depletion region in this case is 

Depletion Layer Fixed Charge Calculation 

Problem: 

(2.96) 

A p-type well in a 130 nm technology has NA= 3 X1017 cm-3• Find the limiting 
value of depletion-layer width and the total charge contained in the depleted 
region. 

Solution: 

From Example 2.1, we already know that 

2kTI n;I 2l<t,,PI = q lnp = 0.88 V 

= l<t,, - <t,,I 

From Equation (2.7), 
---------
2 (11.7)8,85 X 10- 14 (0.88) _ 

Xd = 
1

_
6

(
10

_,,) x 
3

(10,,) = 6 x 10 
6

cm = 60nm 

7 Note that ¢Fp is negative for tHhannel devices and o/n, is positive for p-channel devices, This can be con~ 
fusing so we usually take the absolute value of this quantity, 
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From Equation (2.9a), 

Oeo = -(2 X 1.6 X 10-19 X (3)1017 X 1.0 X 10-12 X l-0.881 )1/2 

~ -3 x 10-1 c/cm2 

The complete expression for the threshold voltage Vy is given by 

QB 
Vy= VFB - 2</>F - -c 

ox 

Expanding VFB and rearranging, we obtain 

Vy= <f>Gc- 2<f>p 
QB _ Qox 

Cox Cox 
QBO Qox ---

= Vyo + y(Vv.: + 124>~ - ~) 

(2.10) 

(2.11) 

where Equation (2.9a) has been used to simplify the expression and Vro is the 
threshold voltage with V58 = 0 called the zero-bias threshold voltage. The parameter 
y (gamma) is termed the body-effect coefficient or body factor. Comparing Equation 
(2.9) to Equation (2.11), we see that y is given by 

Computation of c,, and y 

Problem: 

Determine values of Cox and y, if tox = 22 A and N, = 3 X 1017 cm·3
• 

Solution: 

To compute c,, we use Equation (2.5): 

Box = 4&0 

(4)(8.85 X 10-14
) 

:. Cox= = --'--'-'--~--'- = 1.6 X 10-6 F/cm2 

tox 22 A 

Apply this value to the equation for -y: 

')' = y2q;;7i,;cox 
r = V (2)(1.6 x 10-")(11.?) (s.s5 x 10-1

•) {3 x 10")/1.6 x 10·• 

~ 0.2 V11' 

(2.12) 

Example2,3 
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Example 2,4 

Table 2.1 
Signs in threshold voltage equation 

Parameter NMOS PMOS 

Substrate p•type n-type 

Vro + 
cpGC; 

n+ polysilicon gate 
p+ polysllicon gate + + 

cJ)F + 
Oao,Oa + 
a,, + + 
y + 
Xd, Cox + + 
Vs, + 

It is easy to become confused about the signs of the various terms in the threshold 
voltage equations (if not the terms themselves!). Equations (2.10-2.12) give correct 
results for NMOS aud PMOS if the signs shown in Table 2.1 are used. 

Threshold Voltage Calculation 

Problem: 

Calculate the zero-bias threshold voltage (i.e., V,8 = O) for an NMOS silicon-gate 
transistor that has well doping NA = 3 X 1017 cm-3, gate doping N0 = 1020 cm-3, 
gate-oxide thickness tax= 22 A,and 2 X 1010 cm-2 singly charged positive ions per 
unit area at the oxide-silicon interface. Assume that the gate doping is n+ and 
explain why it is appropriate. 

Solution: 

Oeo a., 
Vro = ¢Ge - 2¢,, - - - -

Cox Cox 

kT n1 1.4 X 1010 

cf,,P = - ln-N = 0.026 In 
3 

0" = -0,44 V 
q A X 1 

¢Ge = ¢Fp - cpG(gote) = - 0.44 - 0.55 = -0,99 V 

e., = 4e0 = 3.5 X 10-13 F/cm 

C,,, = 1.6 X 10-' F/cm' 

Oeo = 3 x 10-7 C/cm' 

Q 3 X 10-7 

_!!!!_ = ----,- = 0.188 V 
C0, 1.6 X 10-• 
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0 0, 2 X 1010 X 1.6 X 70- 19 

-C,-, = 
1 
_
6 

X 
10

_, = 0.002 V 

Vro = -0.99 - (-0.88)- (-0.188)-0.002 = +0.08 V 

In the above solution, we assumed that then• gate doping is so high that the Fermi 
level in the gate is coincident with the conduction band, which implies an electro­
static potential of </>,e19,.,1 = 0.55. If the gate doping were p•, the value for Vro 
would be 1.18 V which is well above the desired levels. Therefore, the doping of the 
poly gate must be n• to keep it below the target value. For the same reason, the 
poly gate for p-channel devices is doped with p+ material. Of course, the value 
computed above is not very satisfactory for an NMOS device. We require a value 
closer to Vro = 0.4 V. 

z' 

The small positive value of threshold voltage calculated above is not desirable for 
use in digital circuits. Although in principal the threshold voltage may be set to any 
value by proper choice of doping concentrations and oxide capacitance, considera­
tions such as breakdown voltage and junction capacitance frequently dictate the 
desirable specifications for these variables. Therefore, the final value of V70 is deter­
mined during circuit fabrication by ion implanting dopant atoms into the channel 
region. 

A p-type threshold implant, using boron for example, will make the threshold 
voltage more positive. On the other hand, an n-type threshold implant, using phos­
phorus for example, makes the threshold voltage more negative. NMOS threshold 
voltages are adjusted using a ,p-type implant until the desired positive value is 
reached. The PMOS thresholds are all adjusted with n-type implants until they are 
at the desired negative value. 

Extra p-type impurities are implanted to make V70N = +0.4 V for n-channel 
enhancement devices in our generic 130nm process. By implanting n-type 
impurities in the channel region of a p-channel device, we try to achieve a VroP = 
-0.4 V. If Q1 is the charge density per unit area in the channel region due to the 
implant, then the threshold voltage, V70, given by (2.10) and (2.11) is shifted by 
Qif Cox. It is assumed that all implanted ions are electrically active. 

Threshold Voltage Implant Dosage Calculation Example 2.5 

Problem: 

Continuing on with the previous example, since the NMOS threshold voltage is not 
close to the desired value, calculate the ion-implant doses N1 needed to achieve a 
threshold voltage of 0.4 V in unit of ions/cm2• 
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Solution: 

We know that Vr will be shifted by Q,IC,x = qN1 I C0,. 

Q1 c0,t v c.,(o.4 - ( +o.os)) 12 ions 
:.N = --- = -- = ------ = 3.2 X 10 -1 q q 1.6 x 10·19 cm' 

The ahove calculations of threshold voltage do not give exact quantitative 
results in practical cases. Reasons for this include the fact that body doping may 
vary near the oxide interface, the oxide thickness and dielectric constant may vary 
due to process variations, and oxide charge is not exactly controlled. Considerations 
such as hot-electron effects, junction breakdown voltages, junction capacitances, 
and punchthrough dictate the desirable specifications of the doping levels in the 
channel region. For our purposes, calculations of threshold voltage are useful for 
predicting how V70 varies as a function of doping levels and dimensions. Further­
more, the values given above are for illustrative purposes only. As a practical matter 
for circuit design, nominal values and statistical variations of the threshold voltage 
and body-effect coefficient must be determined by direct measurements of actual 
devices. 

2.4 First-Order Current-Voltage Characteristics 
The next step is to derive the large-signal characteristics oflong-channel MOS tran­
sistors for de or slowly changing applied signals. We assume an NMOS device with 
source grounded and bias voltages Vas, VDs> and V8s applied as shown in Figure 2.8. 
If Vas is greater than Vy, a conducting channel is present and VDs causes a drift cur­
rent IDS to flow from drain to source. The voltage Vvs causes a larger reverse bias 
from drain to body than that present from source to body, and thus a wider deple­
tion layer exists at the drain. However, for simplicity we assume that the voltage 
drop along the channel is small so that the threshold voltage and depletion-layer 
width are approximately constant along the channel. 

At a distance y along the channel, the voltage with respect to the source is V(y ), 
where O s V(y) s V05 , and the gate-to-channel voltage at that point is Vcs - V(y ). 
In order to have any inversion-layer charge, the gate-to-channel voltage must be 
higher than V 7. The amount of charge induced by a given voltage is Q = CV. We 
assume that this voltage Vas - V(y) exceeds the threshold voltage Vy, and thus the 
induced charge per unit area at the pointy in the channel is the charge density: 

Q,,(y) = Cox [ Vas - V(y) - Vr] (2.13) 

In basic terms, current is simply charge in motion. Since Equation (2.13) deter­
mines how much charge exists in the channel, the drain-source current I0 s is given 
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Figure2,8 
NMOS device with bias voltages applied. 

by the charge density times the carrier velocity, v, times the channel width, W, per­
pendicular to the plane of Figure 2.8. 

10 s = Q,, Xv X W (2.14) 

The carrier velocity in cm/s is determined by the horizontal electric field, E, 
which is in units ofV/cm and is directed from drain to source. For the first-order 
model, we assume that the velocity is linearly proportional to the magnitude of the 
E field: 

dY(y) 
v = µ,E whereE = ~ (2.15) 

andµ, is the carrier mobility which is the ratio of carrier (electron or hole) velocity 
to electric field. Its dimensional units are cm/s over V/cm, or cm2/V-s. 

1b continue with the analysis of MOS transistor conduction, we substitute 
Equation (2.15) into (2.14): 

Ivs = Cox [ (Yes - Y(y)) - Yr] X µ,,,EX W 

Further substitution and minor rearrangement produces: 

10 s dy = Wµ,,,Cox (Yes - Y(y) - Yr) dY 
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For simplicity, a process transconductance parameter k' is defined as: 

k' = C = P.,,l3ax 
/J,11 OX f 

OX 

(2.16) 

We assume that Vr does not vary significantly along the length of the channel, Inte­
grating the left side along the channel from y = 0 to Land the right side from V = 
0 to V05 and substituting: 

rL rV1a 
Ivs), dy = Wk'), (Yes - V - Yr) dV 

0 0 
(2.17a) 

The device transconductance parameter is defined as k = I<( W!L), Substituting this 
in the above yields 

Ivs = Jc. [2(Vas - Yr) Vos - Vl,s] 
2 

(2.17b) 

for the so-called linear region of operation. This equation is an important one since 
it describes the current-voltage (I-V) characteristics of the long channel MOS tran­
sistor, assuming a continuous channel is present from source to drain. 

As the value of V 0s is increased, the induced conducting channel charge Q,, 
decreases near the drain. Equation (2,13) indicates that Q,, at the drain end 
approaches zero as V05 approaches Vas - Vy, When V05 equals or exceeds Vas -
Yr, the channel is said to be pinched off. Increases in Vos above this critical voltage 
produce little change in I0 s, and Equation (2, 17a) no longer applies. In fact, if Equa­
tion (2.17b) is plotted as Ios versus V0 s with different values of Vas> the curves 
would reach a peak and then "roll over" as Vos is increased since it is a quadratic 
equation. This characteristic, shown in Figure 2.9a, is nonphysical and inaccurate, 
It is due to Equation (2.13) reversing its polarity when Y(y) is greater than YGs -
V r This produces positive charge in the channel after the pinch-off point, as shown 
in Figure 2.9b, something that is quite impossible! 

Since the current equation is only valid up to the pinch-off point, we will call 
this the saturation voltage: 

V,,,,,, = Yes - V:r (2, 18) 

Beyond this value, I05 is obtained by substituting V0 s = Vas Vy in Equation 
(2.17b), giving 

Ios = f (Yes - Vr) 2 (2.19) 
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for the MOS transistor operating in this so-called saturation region.8 The word satura­
tion is used because Ivs reaches a limit, or saturates, at the level given by Equation 
(2.19). Figure 2.10 shows the currents in the linear and saturation regions of operation. 

The drain current of an MOS transistor in the saturation region in fact is 
dependent on V0 s, because the depletion layer at the drain widens as Vvs increases, 
shortening the electrically effective value of L. Also, there is significant electrostatic 
coupling between the drain and the mobile charge in the channel, such that increas­
ing the drain voltage increases Q,, above the value given by Equation (2.13). Each of 
these effects acts to increase the drain current as drain voltage increases. An empir­
ical approximation to the actual drain current can be used to model this increase as 

k 
Ivs = 2 (Vos - Vr)2 (1 + A Vvs) (2.20) 

where the channel-length modulation parameter A (lambda) represents the influ­
ence of V0 s 01110s in saturation. T,• Jvoid discontinuities in the 105 - V05 charac­
teristic, the 1 + A 1'0 s term may be included for both saturated and linear regions 
with negligible error. Usually the value of,\ has little effect 011 the operating char­
acteristics of digital MOS circuits. 

8 The consequences of the eadier assumption of Vr constant along the channel may now be understood. In 
fact, Vrincreases with V(y) due to body effect. The result is that saturated drain current J0 is 10 to 40% smaller 
than the value given by Equation (2.19b). However, good accuracy is obtained in circuit design if the value 
used fork' is determined from data taken with the transistor operating in saturation, 

,,+ 
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1/A 

Figure 2.10 
NMOS device 10 -V05 characteristics. 

0 Vos 

We summarize the results thus far using the IDs versus Vvs plot for an NMOS 
transistor shown in Figure 2.10. Below pinch-off the device behaves as a nonlinear 
voltage-controlled resistor. This is termed the linear, resistance, triode, or nonsatura­
tion region of operation. This book will refer to it as the linear region. Above pinch­
off, the device approximates a voltage-controlled current source. The channel-length 
modulation parameter in the figure is much larger than usual, leading to a steeper 
slope for Iv - Vvs in saturation than is usually observed. The slopes of all the curves 
in saturation converge at 1/A along the V05 axis.9 

There is also a noticeable quadratic relationship between the current I05 and 
VGs in the saturation region. This makes sense since there is a ( VGs - Vy)2 term in 
the current expression in saturation, so the current must increase quadratically with 
V Gs· This is an important characteristic associated with long-channel devices in sat­
uration. 

The separation between linear and saturation regions is also plotted in Figure 
2.10. It is defined as the point where V05 is equal to V05 - Vr for all the curves. 
Throughout the study of the material in this book, it will be important to quickly 
ascertain the region of operation of a device. As a rule of thumb, if V05 is large rel­
ative to VGs> then it is probably in saturation. If VGs is large relative to V05 then it is 
probably in the linear region. If the two are equal, then the device is definitely in sat­
uration. This intuitive approach to determining the region of operation is useful as 
an initial guess, but it must be validated using Equation (2.18). 

A similar set of plots can be generated for the PMOS device. As noted before, 
for PMOS devices, all polarities of voltages and current are reversed. When check-

9 Jn bipolar transistors, this is referred to as the Early voltage. 
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ing for the region of operation, it is important to use the proper magnitudes of the 
voltages. Otherwise, incorrect results will be obtained. 

MOS digital circuits are usually designed with MOS transistors as the only cir­
cuit elements. The values of Vrare usually given for the NMOS and PMOS devices 
but can be adjusted with body-bias, Vns· All of the other parameters are process­
dependent. As a consequence, the transistor width Wand length Lare typically the 
only design parameters a, ailable. Since L is usually selected as the minimum value 
possible, the only practical degree of freedom is the selection of W. Therefore, it is 
useful to relate most of the equations for the MOS transistor in terms of W. As we 
proceed through this chapter and subsequent chapters, useful coefficients will be 
computed relative to the W of the device. 

2.5 Derivation of Velocity-Saturated Current Equations 
The quadratic model derived above is valid for long-channel devices ( typically > 
1 µ,m) and has served the IC industry well for many years, especially for hand cal­
culations. However, it is not as suitable for today's deep submicron (DSM) tech­
nologies. The primary reason is that, in modern devices, the transistor channel 
lengths have been scaled to the point where the vertical and horizontal electric fields 
are large and they interact with one another. Furthermore, the assumption that sat­
uration occurs at the pinch-off point is no longer correct. Saturation in DSM 
devices occurs when the carriers reach velocity saturation-that is, when they reach 
the speed limit of the carriers in silic011. 

The effect on the current-voltage characteristics is illustrated in Figure 2.11 for 
a 0.18 µ,m device, for which V0 s and VGs are swept from Oto 1.8 V. Notice that the 
relationship between I0 s and Vas is more linear than quadratic. This can be seen by 
visual inspection of the plot of Ivs versus V05, or directly in the plot of !08 versus 
Vas· This behavior is not predicted by the equations that we have derived thus far. 
As a result, a more suitable model is necessary for hand calculations. 

Another observation is that the saturation voltageis smaller than what is pre­
dicted by the first-order model. The plot of 103 versus Vas indicates that the thresh­
old voltage is around 0.5 V (x-intercept of plot). For the uppermost curve of Ios ver­
sus V05 , with Vas= 1.8 V, the saturation condition of Equation (2.18) requires that 
V08 = Vas - VT= 1.8 V - 0.5 V = 1.3 V. However, the curve saturates well before 
1.3 V. It is closer to 0.6 V by inspection. This early saturation is true for all three 
curves in this plot and is due to velocity saturation. We now revisit the current der­
ivations taking into account the high fields and velocity saturation. 

2.5.1 Effect of High Fields 

Consider the following trends in the horizontal and vertical fields. The horizontal 
field occurs in the y-direction which is in the direction of the channel pointing 
from drain to source. The vertical field occurs in the x-direction from the gate to 
the channel. The horizontal field is given by By Vv5!L. Shown in the following 
are estimates of the horizontal field for three different years. We can see that the 
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Figure 2.11 
Current-voltage characteristics of a 0.18 µ.m process. 

horizontal field has increased over the years by an order of magnitude and has 
remained approximately at 105 V /cm since 1995. The horizontal field acts to push 
the carriers to their velocity limit and this causes early saturation, which in turn 
degrades the mobility. The carrier velocity and the electric field no longer have a lin· 
ear relationship as was assumed in the long-channel case. 

1995 2001 

5V 
E = = 104 V/cm 
' sµ.m 

3.3V 4 E = -- = 9.4 X 10 V/cm 
' 0.35µ.m 

1.2V 5 I Ey = -- = 1.2 X 10 V cm 
0.1 µ.m 
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The vertical field can be approximated as Ex= Vv0 itox. Shown in the following 
are estimates of the vertical field for three different years. We can see that the verti­
cal field has also increased by an order of magnitude and has remained approxi­
mately at 5 X 106 V/cm. 

· rnso 1995 

5V 
E = -- =SOX 104 V/cm 
' 1000 A 

3.3V 6 / E = - = 4.4 X 10 V cm 
' 75 A 

1.2V , 
£ = - = 5.5 X 10 V/cm 
' 22 A 

For high gate voltages, a large number of mobile carriers are induced in the 
inversion layer near the interface. The mobility of these carriers decreases due pri­
marily to electron scattering caused by dangling bonds at the Si-SiO2 interface. The 
effect of the vertical field on mobility can be modeled to first-order as follows: 

/Lo JLr:=------

1 + (VGs Vr)" 
e. tox 

(2.21) 

Here, µ,0 is the nominal mobility in the presence of low fields, typically 540 cm2/ 

V-sec for NMOS devices, and 0 and 1/ are empirical values. The equation uses a term 
based on the vertical electric field, (VG5- Vy)ltox, to reduce the nominal mobility 
value. As an example of mobility degradation, let 0 = 3.6 X 106 V/cm and 1/ = 1.85 
in a 0.13 µ,m technology. Then, with tax= 22 A and VGs- VT~ 1.2 V - 0.4 V = 
0.8 V, we find that the mobility,µ,,~ 270 cmYV-sec, is reduced by a factor of 2 rel­
ative to µ,0. This effective value of mobility can be use·d to account for the high ver­
tical field. The effective mobility for PMOS devices is 70 cm2/V-sec which is about 
four times smaller than NMOS devices. 

The horizontal field acts to reduce the mobility even further. We assumed that 
as Ey goes up, the carriers continue to increase in speed. Actually their velocity sat­
urates (or reaches a velocity limit) at approximately vsa, = 107 cm/s. Consider Fig­
ure 2.12, which shows the relationship between the carrier velocity and horizontal 
electric field. Initially, as we increase the Er field, the carrier velocity also increases. 
The linear proportionality constant between the velocity and the electric field is, of 
course, the mobility. Note that as the field increases beyond a certain critical elec­
trical field, E,, the carrier velocity saturates at its limit in silicon. The fields are so 
high in DSM devices that they tend to saturate very quickly as V05 increases. This is 
the basic difference between long- and short-channel devices. 

Figure 2. 13 shows the experimental results for drift velocities, of holes and elec­
trons in silicon. The saturation velocity for both electrons and holes is 8 X 106 

59 
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cm/sec at T = 400° K, and is independent of the doping level. This value is used in 
most of the analysis that follows. From the curves, we estimate the critical field val­
ues to be 

V 
E = 6 X 104 

- for electrons 
ai cm 

V 
E,p = 24 X 104 

- for holes 
cm 

(2.22) 
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As the temperature decreases, the saturation velocity increases. For T = 300° K, 
v,a, ~ 107 cm/s. 

The next step is to somehow incorporate the effects of the high fields on mobil­
ity into a set of equations suitable for hand calculation. We first include the effect of 
the vertical field by using Equation (2.21). To account for the horizontal field, we 
can express the velocity as a piecewise continuous function of the horizontal elec­
tric field, Ey, as follows: 

Ey < E, (2.23a) 

V = VSilt (2.23b) 

That is, the relationship between the carrier velocity and the field is divided into two 
segments with a boundary defined by E,, the critical field. Before the critical field is 
reached, the value of v is given by Equation (2.23a). Beyond E,, the velocity satu­
rates at vm,· This captures the basic behavior of the curve but we should remember 
that it is only a model of the true behavior. 10 In order to ensure continuity at the 
boundary, where Ey = E,, we can plug in this condition (2.23a) and set v = v,"'. 

(2.24) 

, _ 2Vsat 
.. E,-

µ,, 

This sets up the relationship between E, and v,at· Note that this relationship is the 
result of the modeling approach described above as opposed to a fundamental rela­
tionship between the critical field and the saturated velocity. It holds true only in 
the context of Equation (2.23). 

2.5.2 Current Equations for Velocity-Saturated Devices 

To deriYe more suitable MOS current equations, we use Equation (2.14) and set v 
based on the region of operation using the conditions specified in Equations (2.23a) 
and (2.23b ). 

10 This mode! slightly underestimates the velocity below the critical field and slightly overestimates the veloc­
ity above the critical field. But the model leads to simple current equations that are accurate enough for hand 
calculations, 
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In the linear region of operation, 

Ios = wx Q,, XV 

=WXCox(VGs-VT-V(y)) E 
( 

µ,,Er ) 

I+ 2 
E, 

Reorganizing the equation and applying the relationship between field and poten­
tial, we obtain 

dV(y) 
whereEy = --;i;-

Plugging in and re-arranging produces 

IosdY = Wµ,,[ Cox(Vcs - VT - V(y)) :::EJdV(y) 

After integration, we obtain 

W µ,,Cox 

Ios=L (1 + Vos) 
E,L 

( 
Vos) VGs - VT - -2- Vos (2.25) 

This expression for the linear region is very similar to the previously derived equa­
tion except for the extra multiplier in the denominator. This is very convenient since 
we are only required to remember one additional term to obtain a more accurate 
current expression. 

The next step is to determine the expression for the saturation region of oper­
ation. Saturation occurs when the carriers are moving at v snt' 

!05 = W X Q,, X v'"' (2.26) 

Since the current is the same throughout the channel we can set V(y) = V 0 5 and 
write 

(2.27) 

We can further simplify it by equating the expressions of I05 in linear (2.25) and sat­
uration (2.27) regions to obtain V0 ,,,: 

(VGs - Vr) E,L 
V - -'--=---""--''-­

o,,,, - (V05 - Vr) + E,L 
(2.28) 

ONSEMI EXHIBIT 1038, Page 83



MOS TRANSISTORS 63 

The difference between this expression and the first-order expression for V0 ,nr is the 
extra multiplier (recall that V0"' = Yes-Yr in the first-order model). The new fac­
tor EJJ( Yes - VT+ E,,L) < I, so the value of the V0 .,, will always be lower than the 
first-order model. This is the effect of velocity saturation-devices saturate faster 
and deliver less current than the quadratic model would predict, 

If we now substitute this new V0 ,,,, into our saturation current equation of 
(2.27) we obtain 

Ios = Wv.«.,C,., (Yes - Vr) + E,L (2.29) 

Again, this equation is similar to the first-order current equation and will be easy to 
remember. It is different from Equation (2.19) but has a familiar quadratic form in 
the numerator. 

Consider the limiting cases for this equation. What happens if E,L >> Yes VT 
(i.e., a long-channel device)? The equation reduces to our quadratic expression: 

w )2 Ii,s = 
21 

µ,,C,, (Yes - Vr 

Now consider what happens if E,L << Yes - Vy, that is, if we have a very short 
channel. We obtain an equation where the current is linear in Yes - V.r, as we 
would expect for very short-channel devices: 

IDs= Wv,,,,C,x(VGs - VT) 

NMOS and PMOS Saturation Voltages for 0.18 µm Technology 

Problem: 

Consider a 0.18 µm technology. Compute the values of V0,,, for the NMOS and 
PMOS device assuming VGs = 1.8 V, VrN = 0.5 V, Vrp = -0.5 V. Assume the channel 
length is 200 nm for convenience. 

Solution: 

Using (2.22), we find that E'"L" = 6 X 104 (0.2 µ.m) ~ 1.2 V and £,,Lp = 24 x 104 

(0.2 µ.m) ~ 4.8 V. Using (2.28), 

NMOS: 
(7.8 - 0.5)(1.2) 

Vo,ot = (1.B _ 0.5 + 1.2) "" 0.6 V 

PMOS: 
(1.8 - 0.5)(4.8) 

Vo,at = (1.8 - 0.5 + 4.8) ~ 1.0 V 

The value computed for the NMOS device is consistent with the plot shown in Fig­
ure 2.11. 

The results of Example 2.6 are important in device sizing. The fact that the 
PMOS device saturates at a higher voltage implies that it will be able to supply a 

Example2.6 
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Example2.7 
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Figure 2.14 
Effect of mobility and velocity saturation on device sizes. 

higher than expected amount of current. To illustrate this, we plot the current for 
both NMOS and PMOS devices with the minimum (W/L) ratio in Figure 2.14. 
These two cases are labeled as IX devices. In addition, we plot a 2X PMOS device 
and a 3X PMOS device. The IX NMOS device and the 3X PMOS device deliver the 
same current in saturation even though mobility difference between the two IX 
devices is 4: 1. The device ratio is only 3: I since the PMOS device saturates at a 
higher voltage. 

To compare with hand analysis, consider the current ratio of the two IX devices 
using Equation (2.29): 

Io,arN WN vm, C,, (Vcs - VrN) 2
/ (Yes - VrN + ECNLN) 

--= 
Io,mP Wp v," C,x (Vcs - Vrp) 2/(Vcs - Vyp + EcpLp) 

Plugging in our nominal values, we obtain 

Io,arN = 2.4 
IDsatP 

Therefore, the required device ratio to deliver the same current in saturation is 
about 2.4X rather than 4X due to the difference in Vo,m· Hand analysis underesti­
mates the current ratio in saturation. 

NMOS and PMOS Currents in Saturation for 0.13 µm Technology 

Problem: 

Compute the saturation currents per micron of width for a 0.13 1-'m technology. 
Assume a channel length of 100 nm, t0x = 22 A, VrN 0.4 V, Vrp = -0.4 V, V00 = 1.2 
V. Use v,,, 8 x 106 cm/s. 
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Solution: 

Using (2.22), we find that E'"L" = 6 X 104 V/cm (0.1 µ,m) ~ 0.6 V and £,,Lp = 24 x 
104 V/cm (0.1 µ,m) ~ 2.4 V. 

Then, for the n-channel device: 

(VGs - Vr)' 
lo,= Wv,or c~ (VGS - Vr) + E,L 

los (VGS - Vr)' 
:. W = v,orCc, (V05 - V7) + E,L 

(1.2 - 0.4)2 

= (8 X 106)(1.6 X 10-6
)( ) = 585 µ,A/µ,m 

1.2 - 0.4 + 0.6 

For the p-channel device, 

, fos = v C (Vcs - Vr)' 
.. W '"' ox (VG, - Vr) + £,L 

(1.2 - 0.4)2 

= (8 X 106)(1.6 X 10-6
)( ) = 256 µ.Ajµ,m 

1.2 - 0.4 + 2.4 

i &--i b 

To summarize the equations for deep submicron devices, we should first decide 
whether a device is in the linear region or saturation using the following inequalities: 

if Vns ;;,: 

if Vns < 

(VGs - Vr) E,L . 
( ) 

~ saturat10n 
Vas - V,. + E,L 

(Vas - V7) E,L . 
------- ~ lmear 
(Vas - V,.) + E,L 

If we are in the saturation region, we should use the equation 

(Vas - Vr)' 
Ivs = Wv,n1C 0, (V: _ V) +EL 

GS T C 

saturation 

Note that there is still a channel length modulation effect, which we can capture as 
we did before. This involves the use of a parameter, A, as follows: 

(Vcs - Vr) 2 
• 

Ivs = Wv,,11 C"' ( _ V ) E (I + A Vvs) saturation 
Vas r + ,L 

The use of this equation is perhaps too cumbersome for hand calculations. There­
fore, we will drop the last term and ensure that the Ivs is computed using the aver­
age value in saturation. For convenience, we set A=O. 
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Example2,8 

If we are in the linear region, we should use the equation 

w 
los = -

L 

Current Ratio for 0.13 µm Process 

Problem: 

Vos) Vr- 2 Vos linear 

Consider a 0.13 µm technology where the channel length is 100 nm. Using (2.22), 
EcnL, = 0.6 V and E,,Lp = 2.4 V,and assuming that V65 = 1.2 V and VrN = 0.4 V, Vr, = 
-0.4 V, compute V0"' and the current ratio of two 1 X devices in saturation. 

Solution: 

Using (2.28) we find that 

(1.2 - 0.4)(0.6) 
NMOS: Vo,or = (l.2 _ 0.4 + 0_6) = 0.34 V 

(1.2 - 0.4)(2.4) 
V =~--~-'-=06V 0

'"' (1.2-0.4+2.4) · 
PMOS: 

The current ratio of the two 1 X devices is 

lo,otN = WNv,otCo, (VGs - VrN)'f(VGs - VrN + ECNLN) 

lo,o<P w,v,.,c,, (VGs - v,,)'/(VGs - Vrp + EcpLp) 

Plugging in our nominal values, we obtain 

lo,atN ~ 
2

_
3 

fosotP 
--ll!W--0,"!l'J'71llllllZ!!lll!I! ___ , Z!:f _________ i~1'f!irnl--W!.1'1i,.4Zlmr,ff\I,JmilW,,i _______ _ 

*2.6 Alpha-Power Law Model 
Another approach for a hand-calculation model is to empirically fit the real data to 
the following form of lvs in saturation: 

lvs = Ks ; (Vas - Vr)" (2.30a) 

In this formulation, we can set K5 and a based on measured data. Clearly, a should 
be set to a value that is closer to 1 than 2. Today, a is approximately 1.25 but it will 
continue to approach 1 as technology scales. 
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J05 versus V05 forNMOS 
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Figure 2.15 
Alpha-power law modeling of MOS transistor. 

Note that this model does not account for the behavior of the device in the lin­
ear region. Therefore, a simple model must be developed for the alpha-power law 
that fits both the linear and saturation regions, without a mismatch at the boundary 
between the two regions. An example of such a model for the linear region is to set 

w 
Ivs = KL L (Vcs V,.)Vos (2.30b) 

V0 ,"' can be obtained by equating (2.30a) to (2.30b): 

K 
Vvsa, = Ks (Vos - Yr)"- 1 

L . 
(2.31) 

The current versus voltage plots based on alpha-power law modeling is shown 
in Figure 2.15. The transistor characteristics in the saturation region are described 
by (2.30a) while the linear region is given by (2.30b). The interface between the two 
regions is obtained from (2.31). This model is suitable for hand calculations only 
after curve fitting is performed with the data points in the figure. If a new technol­
ogy is developed, a new set of parameters must be extracted. The model derived ear­
lier based on velocity saturation is a more general model and will be the primary 
model used in the rest of this book. 

Parameters for Alpha-Power Law 

Problem: 

Find K5 and c, based on Figure 2.15 for the NMOS device using the saturation 
region alpha-power law model. Assume (W/L) = 1 and Vr = 0.5 V. 

Example2,9 
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Solution: 

From the plot of Figure 2.15, we first estimate the saturation value of !05 at V65 = 
1.35Vto be 130 µ,A.Then we estimate the value of /05 at VGs= 1.8V at the same value 
of V05 to be 220 µ,A. We can write the current equation for each measurement as 

fos = Ks ~ (VGs - Vr)" 

and take their ratio, as follows: 

220 µ,A Ks(l.8 0.5)" 

130 µ,A K5(1.35 - 0.5)" 

Solving for c,., we obtain roughly 1.25. Applying this value back into the current 
equation, we find that K5 = 160 µ,AN"". It is interesting to note that the exponent 
is close to 1. This is expected since the long-channel device has an exponent of 2 
and a very short-channel device would have an exponent of 1. 

One way to check the results would be to compute the current for the case 
when VGs = 0.9 V: 

µ,A 
I = 160- (1)(09 - 05)1.25 = 50 nA DS V1.25 • ' ,-

This value is dose to the expected value based on Figure 2.15. 

2.7 Subthreshold Conduction 
So far, there has been an implicit assumption that the current 105 in the cutoff region 
is zero. In actual fact, there is appreciable transistor current even if VGs < Vy, espe­
cially for deep submicron transistors. This section explores this previously negligible 
component of current that is increasingly important as technology scales. The mag­
nitude of the current is small compared to the current when Vcs > Vy, However, if 
we have millions of such devices all leaking current, the standby power dissipation 
will be large. This is becoming a big concern for deep submicron technologies. As we 
will see in later chapters, this leakage current will prove to be problematic for 
dynamic logic circuits and dynamic memories, as it will discharge capacitances that 
store logic values. In technologies prior to 0.18 µ,m, this current was considered a 
second-order effect, but it is now a first-order concern and deserves some attention 
in this book. 

In the derivation of the threshold voltage expression, the strong inversion condi­
tion was defined (somewhat arbitrarily) as the point at which the surface potential is 
21,;1,FI below the level in bulk silicon. However, in practice, surface inversion occurs 
well before this point and there are mobile carriers in the channel region capable of 
conducting current. The term subthreshold region is preferred to describe the case 
where VGs < Vy, ratherthan cutoff, since there is current flow.As shown in Figure 2.16, 
IDs is a continuous function of VGs and drops off in a logarithmic fashion in the sub­
threshold region as Vcs is decreased. Figure 2.16 illustrates all three regions of opera­
tion and the associated current characteristics of the NMOS and PMOS devices. 
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Figure2,16 
MOS current versus Vcs. 

The mechanism for subthreshold current flow is due to the diffusion of minor­
ity carriers when the gate voltage is several thermal voltages less than Vr. In the sub­
threshold region, the MOS transistor behaves more like a (lateral) bipolar transistor 
(see Appendix B). The substrate is the base region, while the source and drain act as 
the emitter and collector, respectively. Therefore, modeling of the current can be car­
ried out using a derivation based on bipolar modeling. In particular, the current 
equation in this region takes the form: 

q(VGs- VT- Vo_if,<1) ( -qVp,1) 
Isuh = Ise JJ~T 1 - e kT (2.32) 

where I, represents a current coefficient, V,ffecr is the sum of a number of voltage 
terms and lies in the range -0.1 to 0.1, and the factor 11 is a suhthreshold swing 
parameter, typically ranging from I to 2. We can determine the value of n by con­
sidering how much voltage change in V cs produces an order of magnitude change in 
the subthreshold current: 

101,,,, 

q(v,,, - v,- v,ff,,) ( -qv,") 
le 11kr I-ekT 

$ 

--=---~--------
q(Vr,S,! - Vy- V~lf1,1 ( -qVvs) ]sub 

Ise 11kT 1 - e kT 

e 
q(Vcs1 - Vr- Vvrr,,1) 

11kT 
:. 10 = --,----,- = e 

q(VGsi - Vr- v,,ffkl} 

e 11kT 

11kT 

ONSEMI EXHIBIT 1038, Page 90



70 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

Taking the natural logarithm of both sides and solving for!:,. VGs = VGs - VG52, we 
obtain a metric for the quality of the subthreshold region, called the slope factor: 

nkT 
S = !:,. VGs = - ln(I0) 

q 
(2.33) 

which is specified in units of mV/decade. The thermal voltage at room temperature 
is approximately 26 mV. 

In the subthreshold region, it is desirable to have the current drop off signifi­
cantly as we reduce VGs· This implies a small n in Equation (2.33). Ideally, n = I 
which leads to a slope factor of 60 mV/decade at room temperature. However, n is 
usually between 1.5 or 2 making the slope factor about 90-120 mV/decade. The 
proper value of n must be determined from device measurements. 

Example 2.10 Subthreshold Swing Parameter Calculation 

Problem: 

From the plot of log(/05) versus VGs in Figure 2.16 with V05 = 1.8 V, find n and the 
slope factor in the subthreshold region for the PMOS device. 

Solution: 

By measuring the subthreshold current at 10 nA and 100 nA the values for Ves are 

VGs (V) 

10 nA 0.140 
100 nA 0.212 

From these points, n = 1.2 for PMOS. The slope factor is approximately 5 = 
60 mV/decade x 1.2 = 72 mV/decade, which is close to the ideal value. 

2.8 Capacitances of the MOS Transistor 
The switching speed of MOS digital circuits is limited by the time required to charge 
and discharge the capacitances at internal nodes. Within VLSI circuits most of these 
capacitances are so small that they are difficult to measure directly. For circuit analy­
sis, these capacitances must be calculated from device dimensions and dielectric 
constants. The capacitance values are usually specified in femto-Farads per µ,m of 
width (i.e., !Fi µ,m). In the description to follow, the subscripts will be lowercase to 
imply these units. Total capacitance values use uppercase subscripts. 

Figure 2.17 shows the significant capacitances between nodes of an MOS tran­
sistor. There are two basic types of nonlinear or voltage-dependent capacitances in 
the structure: thin-oxide capacitances and junction capacitances. The thin-oxide 
capacitances comprised of Cg,, Cgd> and Cgb are represented by Cg. The junction 

l 
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Figure2.17 
Capacitances of the MOS transistor. 

capacitances are shown as C,b, and Cdb· In addition, there are two overlap capaci­
tances. r,1, which are linear and voltage-independent. Finally, the depletion layer 
capacitance under the channel, Cj,, is associated with Cgb' although a small part of 
this capacitance is associated with the drain and source on either edge. These types 
of capacitances are described in more detail in the sections below. 

2.8.1 Thin-Oxide Capacitance 

The thin-oxide capacitance is perhaps the most important capacitance in the MOS 
system. The two plates of the capacitance are defined as the gate and the channel. 
The dielectric material is the oxide sandwiched between these two plates. The total 
capacitance of the thin-oxide is: 

Box 
CG = WLC,, = WL- = we, 

t,x 
(2.34) 

where Cox is the capacitance per unit area of the gate dielectric as defined in 
Equation 2.5. It is interesting to examine the factor, Cg. In a 5 µ,m technology, the 
oxide thiclmess was approximately l 100 A. Therefore, 

Box (4)(8.85 X 10-14
) c, ~ C,l, = -L = ----- (5 µ,m) =" 1.6 fF/µ,m 

lox 1100 

In a 0.35 µ,m process, with tox = 75A, 

B0x (4)(8,85 X 10- 14) 
C8 = C.,,L = - L = ~~--~ (0.35 µ,m) =" 1.6 fF/µ,m 

lox 75 
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In a 0.13 µ,m process, with L = 0.1 µ,m and t'" = 22A, 

Box (4)(8.85 X 10-14
) 

Cg = C ,,L = -L = -'-'--'---------'- ( 0.1 µ,m) == 1.6 fF / µ,m 
tox 22 

This factor has remained constant for over 25 years! The reason is that both Land 
t"" are scaled at the same rate, and their effects cancel each other out. 

The gate capacitance is decomposed into three capacitances: the gate-to-source 
capacitance, c,,; the gate-to-drain capacitance, Cgd; and, the gate-to-bulk capaci­
tance, C

8
,. The division of c, into its three elements is fairly complex. The compo­

nents vary depending on whether the device is in cutoff, linear, saturation, or accu­
mulation, as shown in Figure 2.18. This a plot of the three capacitances as a function 
of VGs· In the linear region, Cg, and c,d are approximately equal to (l/2)C8 since the 
channel extends from source to drain. In the saturation region, the channel extends 
most of the way from source to drain (recall that the saturation condition is defined 
by the carriers reaching velocity saturation), so most of the gate capacitance can be 
attributed to the source node, and a negligible amount to the drain node. For this 
region, a detailed analysis would show the capacitances to be c,, = (2/3)C, and . 
Cgd = 0. 

When the device is in cutoff, then C3, = c,d = 0. All of the capacitance is attrib­
uted to Cgb> the gate-to-bulk capacitance. However, in this regime, there is a deple­
tion region under the gate and we have Cg in series with Ci< which is the channel 
junction capacitance. As a result, the total capacitance is less than C

8 
(since it is in 

series with Ci,) until we reach the accumulation region. At this point, the channel is 
positively charged while the gate is negatively charged producing a total capacitance 

C 

c, 

Ci:11 
----,,':-----'--"""---'-'-,,=--:-:----,. Vas 

VFn O VDs+Vr 

Cutoff 

Accumulation I Depletion Saturation Linear 

Figure 2.18 
Capacitances based on region of operation. 

ONSEMI EXHIBIT 1038, Page 93



MOS TRANSISTORS 73 

of Cg. In normal operation, we are not usually concerned with the accumulation 
region of operation, but it is included for completeness. Note that when VGs = 0, 
the value of Cc1, is about 1/2 c,. It does not reach Cg until the gate voltage is equal 
to the flat-band voltage. 

Thin-Oxide Capacitance Calculation 

Problem: 

Compute the gate capacitance in the cutoff, linear, and saturation regions for a 
PMOS device with t0, = 22 A and device dimensions of W = 400 nm and L = 

100 nm.Assume that Vcs = O in the cutoff region. 

Solution: 

The total capacitance is C9W = 1.6 fF/µ,m x 0.4 µ,m 0.64 fF. 
In cutoff: CGs = 0, CGD = 0, CGa"' 0.64 fF/2 = 0.32 fF 
In linear: CGs = 0.32 fF, CGo = 0.32 fF, CG8 = 0 
In saturation: CGs = 0.43 fF, Cco = 0, CG8 = 0 

2.8.2 pn Junction Capacitance 

The source and drain regions and the substrate form pn junctions that give rise to 
two additional capacitances. The capacitances C,b and Cdb are n+p source/drain 
junction capacitances for NMOS devices and are readily calculated using layout 
information. For PMOS devices, the capacitances are due to p+n source/drain junc­
tions. In addition, there is a junction capacitance between the inverted channel and 
the substrate, Cj,· Since the pn junction is a diode, it is worth revisiting some of the 
basic physics for this diode circuit element. 

The current-voltage characteristic of a diode is given by 

ID = Is( ev,;v,,, - I) (2.35) 

where Is is the reverse saturation current of the diode, V1 is the voltage drop across 
the diode, and V11, is the thermal voltage. In normal operation, the pn junctions are 
all reverse-biased in a MOS transistor. When specifying the voltages at the source/ 
drain and bulk terminals, we must ensure that the bulk is connected to the lowest 
voltage for NMOS devices. Similarly, for PMOS devices, the bulk voltage must be 
the highest potential in the system. Otherwise, we risk forward-biasing the diode. 

Since Vj < 0, the exponential term in Equation (2.35) is small. In essence, for 
our MOS devices, 

Iv= -Is (2.36) 

This represents the leakage current of the MOS transistor, which is unwanted cur­
rent flow from source/drain regions into the substrate. The actual value of leakage 

Example 2.11 
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C, 
J 

Region of interest 

0 

Figure 2, 19 
Plot of junction capacitance versus applied voltage, 

is relatively small and depends on the area and the doping levels on each side of the 
junction. 

The built-in junction potential for a diode is another important quantity in pn 
junction theory. It is computed using the equation: 

,1,. = kT In NA Nv 
'l'B q 2 n; 

(2.37) 

Now we return to the more important discussion of junction capacitance. The 
depletion region of the diode has a capacitance effect associated with it since the 
modulation of diode voltage V1 changes the charge that is exposed or "covered up" 
in this space-charge region. This is equivalent to the action of a capacitor. The basic 
expression for junction capacitance is given by 

Ci0 A 
(2.38) 

where Cjo is the zero-bias junction capacitance, A is the area of the junction, cj,8 is 
the built-in junction potential, and mis the junction grading coefficient, which is 
approximately 1/2 for abrupt junctions (p+n or n+p).This function is plotted in 
Figure 2.19. The built-in junction potential defi11es the point where Ci asymp­
totically approaches infinity. 11 We can see that Cjo is an important quantity since it 

11 This would not occur in practice. 'The capacitance would reach some level and begin to "roll-over" as V1 
im:reases. In any case, we are mostly interested in the reverse~biased region of operation where v1 < 0. 
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represents the value ·of junction capacitance when the external bias is O V. Its value 
is computed using the equation 

e,1q NAND 

2,j,B NA+ N0 
(2.39) 

For a one-sided step junction, where one region has a much higher doping level 
than the other region, we can simplify the expression. For an n+p junctiou of the 
NMOS device, the equation is 

Cio=~ (2.40) 

Since the junctions in a MOS transistor are normally reverse-biased, the junc­
tion capacitances are usually less than ~ 0• This quantity is in units of fF/ µ,m2 and 
therefore it must be multiplied by the area of the junction to obtain the actual 
capacitance. The. denominator of Equation (2.38) can be viewed as an adjustment 
factor due to the applied voltage. In our case, this is V85 or Vno, which is either zero 
or a negative quantity but never positive (otherwise we would have a forward­
biased source/drain junction). Note that we are operating in the range of V1 = 0 to 

V00 in normal mode for NMOS transistors, as indicated in Figure 2.19. 
In order to compute the capacitance associated with the source and drain, we 

need to examine the transistor layout. Shown in Figure 2.20 is a very simple layout 

G 
Poly gate 

s 

Diffusion 

w 

y 

Sidewall 
capacitance 

,i+. l"j 
ST! STI 

Figure 2.20 
Junction capacitances from layout data. 

Bottom 
capacitance 
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of a MOS transistor in plan view and, below it, the corresponding cross-sectional 
view. In the layout view, there is a shaded polysilicon gate on top of a diffusion 
region. The intersection of polysilicon and diffusion forms a transistor. The gate 
(G), drain (D), and source (SJ terminals are shown, along with the W, L, and Y 
dimensions of the transistor. The source/drain junction capacitances we seek are 
associated with the diffusion region, and so it is sometimes called the diffusion 
capacitance. 

There are two types of junction capacitances that need to be computed for the 
NMOS device, namely the bottom capacitance and the sidewall capacitance. In the 
case of the bottom capacitance, we need to compute the area of the bottom region 
and the zero-bias value, Cjb> from the parameters for the n+p junction. Looking at 
the layout, the area calculation for the bottom capacitance is as follows 

Ab= WY 

where W is the device width and Y is the diffusion extension from the poly gate 
edge. The junction is an n+p junction so the numerator of Equation (2.38) would 
be equal to Cj,Ab. 

For the sidewall capacitance, we need to take each edge of the junction and then 
multiply by the junction depth, xj, to obtain the sidewall areas. A total of four faces 
need to be considered. Three edges are associated with the interface of the n+ region 
and the shallow trench isolation,12 and a fourth edge is due to an n+ p junction for 
the sidewall facing the channel. 

Since the three edges that abut the shallow trench isolation have a small capac­
itance in modern technologies, the channel-facing sidewall edge is the only one we 
need to consider, as shown in Figure 2.20. Therefore, we compute the area for the 
channel-facing sidewall as 

Asw = Wxj 

The numerator of Equation (2.38) would be Cj,..,A,,,, where the zero-bias junction 
capacitance for the channel sidewall is Cj,w• Now, the detailed junction capacitance 
equation can be stated 

( v, )"'i"' l-·-
<Pnsw 

(2.41) 

where mjsw and <fa Bsw are the capacitance terms for the channel-facing sidewall. This 
equation reflects the model used in circuit simulators, but we need to simplify the 
equation for use in hand calculations. First we would like to combine the two 
terms together. We will see in the next chapter that the channel-facing edge (i.e., 
the second term) has a very complex doping profile. However, if we consider it to 

12 Shallow-trench isolation will be described in more detail in Chapter 3. 
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be primarily an n+ p junction, then we can combine the two terms together. In fact, 
only a small error is made with this simplification 

(2.42) 

Next, we would like to remove the voltage dependence of the term in the 
denominator of Equation (2.42) to produce a large-signal equivalent value. To do 
this, we can look back at Figure 2.19 and realize that the only region of interest is 
when V

1 
:, 0, since the junctions are normally reverse-biased. If V1 = 0, then the 

denominator of Equation (2.42) is equal to one. If there is a reverse-bias of -V0v, 
the denominator is between 1 and 2. One way to handle the voltage dependence is 
to define a new parameter, K,q, which adjusts the zero-bias capacitance, Gib' based 
on the expected bias voltage across the junction. 

Since the voltage in digital circuits is expected to switch from low-to-high and 
vice-versa, we can use this fact to compute K,,r To this end, we define an equivalent 
voltage-independent capacitance C,q that requires the same change in charge as the 
nonlinear capacitance for a transition between two voltages V1 and V2 applied to the 
junction: 

where 

I
v, Iv, ( v)-"' 

.iQ = C(V)dV = Cib 1 - </>n dV 
Vi Vi 

Thus 

Cib<i>B [( v, )l-m ( V1 )t-ml C = - ---------'"--- 1 - - - 1 - -
'" (V, - V1) (I - m) </>n </>n 

We are now able to define K,q, the dimensionless constant used to relate C,1 to Cib 
for specified values of V1 and V2• In the case of an abrupt junction, m = 1/2, and 
therefore 

K = C,q = - 2<1>V
2 

[ ("' _ V ) 1/2 _ ("' _ V) 1/2] 
,q C V _ V 'f'B 2 'f'B , (2.43) 

jb 2 I 

Fortunately, this complicated equation is required in only one case. Once com­
puted, the simplified equation for hand calculations is as follows: 

C1 = K,q(CibWY+ CibxiW) = K,q(CibY+ Cibxj) W= K,qCjb(Y+ xi)W 

(2.44) 
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Example 2, 12 

All the leading terms of the capacitance can be combined to produce a relatively 
straightforward equation for hand calculations: 

(2.45) 

Note that if the voltage switches from one level to the other, K,q aa 0. 75. However, if 
there is a fixed voltage across the junction then we do not need to use Equation 
(2.43) to determine K,q· In NMOS devices, if a source or drain node is close to Gnd, 
then Vsn = 0 so we can set K,q = 1.0. If a node is close to V00 we should use the 
capacitance value at V1 -V 0 0 • For this case, we should set K,

1
"' 0.5 since there is 

a large voltage drop across the junction. Similar considerations apply for PMOS 
devices with similar capacitance values. 

One final note on junction capacitance: the channel junction capacitance, ½,, 
shown in Figure 2.18 uses the same formulation as given in Equation (2.38). This 
term is associated mainly with the gate-to-bulk capacitance. There is a small portion 
of it that is charged from the source and drain, but it is negligible and usually ignored. 

Junction Capacitance Calculations 

Problem: 

(a) Find ¢8 and C1b for an n+p junction diode with N0 = 1020 cm-3 and NA= 
(3)1017 cm-3• 

Solution: 

From Equation (2.37), 

kT NANo (3 (10
17

)(1 O'°)) 
<J,8 = - In-,-= 0.026 In ( ( 10))' = 1 V 

q n1 1.45 10 

From Equation (2.39) 

= 

Problem: 

e,,{J NANo ~ ~ 
2¢, NA+ No ,/2i; 
11.7 * (8.85)(10- 14

) * 1.6(10-19)(3)(101
) fF 

---'----'-'---~-,--'----'-'--"-'------'-~16--
2(1.0) · !km' 

(b) For a 0.13 /Lm process, W = 400 nm, L = 100 nm, x1 = 50 nm, and the dif­
fusion extension is Y = 300 nm. Using the layout of Figure 2.20, find C1 in 
units offF for and V1 = O and VJ= ~ 1.2 V. 

Solution: 

For VJ= O, the value is obtained by multiplying c1b with (Y+x)W 

c, = c,,(Y + X1)W = 1.6 fF/ /Lm 2 X (0.3fLm + 0.0SfLm) X 0.4fLm ~ 0.22 fF 
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For V1 = -1.2, 

C;b(Y + X;)W 
C1 = (1 - VJ/cf>,)m 

-
_1 __ .6_fF-'-/-'-µ,_m_x__,(o_._3 .:...µ,_m_+_o_.o..,,s .,_µ,_m-'-)_x_o.4.....:...µ,_m 

- =0.16/F 
(1 + 1.2/1.0)112 

Problem: 

(c) Find K,, for v, = -1.2 V, V2 = O and then compute the large-signal effec• 
tive c,. 

Solution: 

From Equation (2.43), 

2(1 )112 

K = ----'-'---- [(1 -0)112 - (1 - (-1.2)) 112] = 0.8 
"'0-(-1.2)· 

To compute Cp we use 

:. C1 = K,,C;b(Y + X1)W 

= 0.8 X 1.6fF/µ,m2 X (0.3µ,m + 0.05µ,rn) x 0.4µ,m = 0.18fF 

2.8.3 Overlap Capacitance 
The overlap capacitance, C,1, shown on both sides of the gate in Figure 2.17 is due 
to lateral diffusion and fringing components. This voltage-independent capacitance 
is connected from gate-to-drain and from gate-to-source. In the older technologies, 
there was significant diffusion of the heavily doped source and drain regions under 
the gate. This gave rise to the overlap capacitance, Cov. However, over the years, the 
fringing capacitance, Gp between the sidewall of the polysilicon and the surface of 
the drain and source has increased and must also be taken into account. It is diffi­
cult to separate out the components due to lateral diffusion and fringing so the 
combination of the two is referred to as C,1• 

C,1 = C,, + Cr (246) 

The two components are shown in Figure 2.21. They should always be included 
in the capacitance calculation to obtain accurate results. We can try to estimate this 
overlap capacitance for hand calculations as follows. The fringing component can 
be approximated by the formulation 

C 2e,, l ( Tp,l)') f=-n l+--
1T tox 

(2.47) 

where Tp,l!' is the thickness of the polysilicon material that sits on the oxide. 
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Example 2.13 

G 

p 

L 

Figure 2.21 
Overlap capacitance components. 

The capacitance dne to lateral diffusion is computed as 

where Lv is a lateral diffusion term illustrated in Figure 2.21. 

Overlap Capacitance Calculations 

Problem: 

Compute the overlap capacitance,C,1, for a 0.13 !-'m technology with TP01/t,,= 100 
and a lateral diffusion of 10 nm. Specify the solution in units of /F//,Lm of width. 

Solution: 

lfwe apply the ratio TP01/t0, to (2.47), then 

2(4)(8.85 X 10-14
) 

C1 = -'-'-'-------'- In (1 + 100) = 0.1 fF/ 1-'m 
3.14 

If L0 10 nm, then C0, = C0J0 ~ 0.15 fF/µ,m. Therefore, for convenience we will use 

C01 = 0.1 IF/µ,m + 0.15 IF/µ,m = 0.25 fF/µ,m 

This value is multiplied by the width of the device to obtain the total overlap 
capacitance. 

l 
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2.9 Summary 
Operating voltages for the NMOS and PMOS devices: 

NMOS Voltage~ PMOS Voltages 

VrN"' 0 V v,,,,; 0 V or IVTPI "'0 V 

Vos;;, 0 V VGs,; 0 V or IVGsl ""0 V 

V05 "'0V V05 ::;;; 0 V or IVo,I "' 0 V 

V85 ,,; 0 V or V58 ;;, 0 V V85 ;a, 0 V 

The NMOS threshold voltage can be computed as follows ( with appropriate 
changes for PMOS device): 

V, = V-ro + 'Y (Vl2¢FI + Vss - ~) 

Q,. + QI 
cox cox 

kT n, 'PF = - ln - (p-type substrate) 
q p 

')' = -1
- V2qs,,NA cox 

For long-channel devices, the current equations are as follows: 

saturation region 
k 

Ios = (Vcs 
2 

V1 )
2 (l + A Vos) 

k 
if Vos < (Vcs - V1) linearregion Ivs = 2 [2(Vcs - Yr) Vos - Vl,s] 

lfVcs<Vr 

subthreshold conduction region 105 = 0 

For the velocity saturated short-channel devices, use 

IfVcs<V1 

( V V )EI 'f V GS T c" 
l DS ;;-::: 

(VGs - V1) + E,L 

if V05 < (Vcs - V1 )E,L 

(Vcs - Vr) + E,L 

saturation region 

linear region 

(Vas Vr)' 
Ios = Wv,.,C,x (Yes_ Vr) + E,L 

w 
Ivs = -

L 
µ,,Cox ( Vos) 

( 1 
+ Vos) Vcs - Vr - 2 Vos 

E,L 
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q(Vo;-V,-V,p") ( -,JV,.) 
subthreshold conduction region IDs = I,e ukT 1 - e kT 

Simple expressions for total MOS capacitances associated with thin oxide: 

Cutoff 

CGs 0 

CGD 0 

CG, C,,WL 

Equations for junction capacitances: 

C-oA 
C - i 

I - ( I - ;~)"' 

Cjb(A, + A,.,) 
C =-----

! ( Vi)"'j )--

'PB 

C1 = K,/1,(Y + xi) W = C}V 

where q = K,0Cjb(Y + xj) 

Linear Saturation 

1 

2C,,WL 
2 
3C,,WL 

1 

2C,,WL 0 

0 0 

Complete table of MOS transistor capacitances (including C,1 and S,) in fF/ µ,m of 
width: 

Cutoff Linear Saturation 

c,, c,, 1 c,, + 2c, 2 c,, + 3c, 

c,, c,, 1 c,, + 2c, c,, 

c,, 1/c, + 1;c,, < c,b < c, 0 0 

c,, CjSB C158 + a: 1C;, C1sa + f3,C1, (a, /3 small) 

(db (jDB cjDB + rx2C1c C1o, + /3,Ci, (a, /3 small) 
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D D 

c,, 

c,, IC' + C 2 g oi 

s Cutoff s Linear 
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PROBLEMS 
P2. l Below is a table of process parameters for a generic 0.13 µ,m technology. 

Table P2.1 
0.13 µ,m Process technology parameters 

TypicalTechnology 
Parameters Symbol 

Gate thickness t,,[Al 
Poly doping level N0 [cm-3] 

Poly doping level N,[cm-3] 

Substrate doping level N,[cm-3] 

N-well doping level N0 [cm-3] 

Number of surface 
state charges N55 [cm-21 

NMOS 

22 
3 X 10'° 

3 X 1017 

6 X 1011 

PMOS 

22 

3 X 10'° 

3 X 1017 

6 X 1011 

D 

s Saturation 
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Using the data in Table P2.l, find the following threshold voltage values: 

(a) Compute Vro, the unimplanted, zero-bias threshold voltages for 
both NMOS and PMOS devices. Assnme that there is no charge in 
the oxide itself, but there does exist a sheet charge at the Si-SiO2 
interface (computed as qN5s), 

(b) Normally, NMOS gates are doped with donors (n+) while PMOS 
gates are doped with acceptors (p+). 

(i) How would Via be affected if we doped the PMOS poly gate 
with donors rather than acceptors? 

(ii) Calculate the new Vro. 

(c) We now want to adjust the threshold voltages ofboth the NMOS and 
PMOS devices so that we achieve the following threshold voltages: 
VroN = 0.4 V and Vy0p = -0.4 V. Calculate the threshold implant 
levels for the two cases in parts (a) and (b). 

(d) Why do modern technologies have an n+ poly gate for NMOS and 
a p+ gate for PMOS devices? 

P2.2 Find the effective mobility, (µ,,), of a PMOS transistor due to the verti-
cal field if t0 , = 22 A and IV cs Vrl = 0.8 V. Let 0 = 4 X 106 V/cm and 
T) = 1.85 in a 0.13 µ,111 technology. Assume that µ,0 = 130 cm2/V-sec. 

P2.3 This problem involves plotting several 1-V characteristics ofNMOS and 
PMOS transistors in a 0.13 µ,m technology. The 0.13 µ,m technology 
uses a 1.2 V power supply. The transistors are unit sized where W = 
100 nm, L = 100 nm. 

(a) Plot 105 versus V05 as a function of Vas= 0, 0.4, 0.8, 1.2 V for both 
NMOS and PMOS devices. 

(b) Plot !05 versus Vas with V05 = 1.2 V for the NMOS device. Does the 
quadratic model hold for 0. 13 µ,m devices, or is it closer to linear 
with Vas? 

P2.4 Find the region of operation for each of the transistors in Figure P2.4. 
Assume V To = 0.4 V. 

P2.5 In the circuits of Figure P2.5, determine the voltage across the capacitor 
after the circuit reaches steady state. Assume the capacitor is initially dis­
charged ( Vx = 0 V) and V-ro = 0.4 V. 

P2.6 In the circuits of Figure P2.6, draw V:x versus V;,, for O < V;,, < 1.2. 

P2.7 Calculate the gate and junction capacitance of the transistor shown in 
Figure P2. 7 if L= 100 nm, W 400 nm, Y = 300 nm, K,q = 0.8, Cib = 
1.6 fF/ µ,m2, C,x = 1.6 X 10-6 F/cm2, and xi 65 nm. 
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(a) 1.2 V (b) 1.2 V JV 0.6V 

0.2 V 1.2V 
1.2 V 1.2 V 

y y y y 
Vx Vx 

o.ov I.IV I I 
(c) 0.2 V (d) 1.2V (a) (b) 

Figure P2.5 

1.2 V IV 

y y 

0.0V 0.2 V 

Figure P2.4 

0.7 V 

IV 

y 
= w 

Vx Vx 

I I 
(a) (b) 

L 

Figure P2.7 
Figure P2.6 

P2.8 Calculate the NMOS transistor current in each of the cases in Figure 
P2.8: 

Use the following parameters if needed: Vro = 0.4 V, E, = 6 V/ µ,m, 
L = 100 nm, W = 400 nm, 11'"' = 8•!06 cm/sec, C,x= 1.6 X 10-6 F/cm2

, 

µ,, = 270 cm2/V-sec, ')' 0.2 (V112), 21</>FI = 0.88 V 
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(a) 1.2 V (b) 1.2 V 

0.2 V 1.2V y y 

(c) 

1.2V 

O.OV 

0.2V (d) 

IV 

I.IV 

1.2 V 

y y 

o.ov 0.2 V 

Figure P2.8 

P2.9 Compare IDs versus V0s for the NMOS transistor if Vcs = 1.2 V, V8s = 
0, and O < V0s< 1.2 V for the following two cases. What is the main dif­
ference between the two curves? 

(a) L = 100 nm W= 200 nm 

(b) L= 100nm W= 400nm 

Use the following parameters if needed: 

V'f'o = 0.4 V, E, = 6 V/µ,m, v," = 8 X 106 cm/sec, C"-' = 1.6 X 
10··6 F/cm2, µ,, = 270 cm2/V-sec, 'Y = 0.2 (V112), 21</>F I= 0.88 V 

P2.10 Compared to the velocity saturation model, the alpha-power law is a 
more empirically based model where the 1-V curves are fitted to the 
data. The equation for the saturation region current in the alpha-power 
law model is as follows: 

IDs= K(W!L)(Vcs - Vy)" 
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(a) For the plots in Problem P2.3, compute the values for Kand a for 
the NMOS and PMOS devices. 

(b) For the linear region, develop a model where the current is linearly 
proportional to VDs until the saturation region is reached. Derive a 
formula for VD,"'' 
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Problems 

3.1 Introduction 
In this chapter we describe the close relationship between fabrication, layout, and 
simulation of integrated circuits. We begin by describing the CMOS fabrication 
process. The purpose is to give the reader some insight into the steps and issues asso­
ciated with the manufacture of integrated circuits. Over the years, IC fabrication has 
become more and more complex. For each technology node, there are multiple 
processes available to the designer, depending on the target application of the chip. 
For example, there may be different processes for digital, memory, mixed-signal, low 
power, and so on. It is not possible to describe all of the pertinent issues in advanced 
CMOS processes in one chapter. The objective here is to present a generic process to 
provide an overview of the key steps of the fabrication process. 

With this knowledge, the issues surrounding IC layout can be described. A lay­
out is the physical description of the transistors and their connections in the IC 
design. The layout precisely defines the chip that will ultimately be fabricated. Every 
transistor and wire in the circuit must be specified in a geometric format in the lay­
out. To ensure that the chip is properly fabricated, the final layout must conform to 

CHAPTER 

89 
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a set of design rules that are based on the resolution limits of the manufacturing 
equipment. The section on IC layout describes transistor layout considerations and 
some of the basic guidelines for digital CMOS layout, including design rules and 
their meaning. Full-chip layout issues are not addressed here. 

Following the overview of layout, the simulation tool SPICE1 is described along 
with the device parameters associated with the LEVEL 1 and BSIM3v3 MOS mod­
els. SPICE is the most widely used simulation tool in the industry for detailed cir­
cuit analysis. When a circuit is described for SPICE simulation, each MOS transis­
tor requires two pieces of information: geometric and parametric. The geometric 
information is obtained directly from the layout. This includes the length, width, 
area, and perimeter information for each transistor. The parametric information is 
captured in the device models that are extracted from the fabrication process. The 
simplest device model is the LEVEL 1 model which is described in detail in this chap­
ter. However, the most popular model in use today is BSIM3v3. The key parameters 
of this model are also described in this chapter. Advanced MOS transistor issues are 
presented in the context of the BSIM3 model. 

The chapter concludes with a brief look at an emerging technology known as 
silicon-on-insulator (SOI). 

For those who are relatively new to silicon integr\ted circuit technology and 
device modeling, the contents of this chapter may not be fully appreciated or under­
stood until later chapters are covered. We recommend that this chapter and Chapter 2 
be reviewed frequently as they contain the fundamental equations and concepts used 
throughout the rest of the book. 

3.2 IC Fabrication Technology 
3.2.1 Overview of IC Fabrication Process 

Silicon transistors and integrated circuits are manufactured on wafers of single­
crystal silicon, 200 to 300 millimeters (mm) in diameter and about 0.35 mm to 
1.25 mm thick. This thickness is determined by the need to provide enough mechan­
ical strength so that the wafer is not easily broken. The wafers are first polished to a 
mirror finish by abrasive lapping with finer and finer gritty material, followed by a 
chemical etch that leaves the surface virtually free of scratches and imperfections. 
Any defects on the wafer may cause a particular chip to fail and render it useless. 
This is very important in terms of the overall yield of the wafer. The chips that do 
not work to specifications are thrown out or must be repaired in some way, and this 
increases the per unit cost of the chips that actually work. 

The fabrication process that forms the devices and circuits involves a sequence 
of pattern definition steps interspersed with other processes such as oxidation, 
etching, diffusion or ion implantation (doping), and material deposition. A variety 
of chemical agents and materials are used in this process. There may be 20 to 30 
major steps in the fabrication process, each one requiring five or more operations. 
Approximately 100 to 200 distinct operations are required to produce complete 

i For those readers not familiar with this simulation tool, a short tutorial on running SPICE is provided in 
Appendix A. 
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integrated circuits. After the processing is complete, each wafer is sawed into hun­
dreds or thousands of identical rectangular chips. Today, a complex IC chip may be 
up to 30 mm on each edge and contain 100 million devices ( transistors, resistors, 
diodes, etc.) or more. 

Brief descriptions of some of the nomenclature in processing are as follows: 

Oxidation: High-temperature exposure of silicon to oxygen to form Si02 
( silicon dioxide). 

Etching: Removal of undesired material from the surface with the use of a 
liquid or ionized gas etchant. 

Diffusion: Doping process to form n-type or p-type material by high­
temperature exposure to donor or acceptor impurities. 

Ion Implantation: High-energy bombardment of silicon with donor or 
acceptor ions from particle accelerators followed by an annealing step to 
activate implants and repair any damage. 

Chemical Vapor Deposition (CVD): Materials such as metal or oxide are 
deposited out of a gaseous mixture. Metals can also be deposited using sput­
tering. 

The basic flow in the IC fabrication process is shown in Figure 3.1. Designers 
convert the circuit schematic into a layout consisting of geometric patterns that 
implement the transistors and interconnections. This geometric information is 
divided into layers such as n+, p+, p-well, n-well, poly, metal 1, metal 2, etc. Each 

Masks 

l_ 
Layout 

-
Wafers r 

Chemicals 

Figure 3.1 
Overview of chip-making process. 
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implantation 

Diffusion 

Chemical 
vapor 

deposition 

Fabrication 

-
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Chips 
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layer corresponds to a major step in the fabrication process. The patterns, which 
convey precisely what designers want to build, are converted to a set of masks, one 
for each major step in the fabrication process. The masks are glass plates with pat­
terns that specify the information that will be printed on the integrated circuit in a 
given step. They have transparent and opaque areas that match the geometric lay­
out data for each separate layer. 

The images on the masks are transferred to silicon wafers using an optical lith­
ography process to simultaneously produce a large number of chips. The masks are 
aligned and exposed separately at each die site ( or clusters of 2-8 die sites) across 
the wafer. This is similar to the use of a negative in photography. Many pictures can 
be produced from one negative. In chip fabrication, a 200 mm wafer may produce 
1000 chips that are 5 mm X 5 mm in size. It is this parallel manufacturing of all 
chips on a wafer that keeps the cost of an integrated circuit relatively low.2 

3.2.2 IC Photolithographic Process 

The process of pattern transfer and pattern definition is repeated many times dur­
ing the fabrication of an IC wafer. Each of these masking steps requires that the wafer 
be coated with a photosensitive emulsion known as photoresist, and then optically 
exposed in desired geometric patterns using a mask: a previously prepared photo­
graphic plate. This glass plate with an image of the pattern etched in chrome is gen­
erated from the design database. The image is optically projected onto the wafer 
using a projection aligner which is very much like an enlarger in photography. It 
projects the image of the mask onto the photoresist on the silicon wafer to develop 
it, that is, make it soluble. 

After developing the photoresist, a specific process such as etching or doping is 
carried out in the exposed areas of the patterned wafer. This entire pattern transfer 
process is known as photolithography, or optical lithography. Steady improvements 
in optical lithography have made it possible to reduce the smallest surface dimen­
sions on an IC chip from about 5 µ.,min 1980 to 130 nm and smaller today.3 The 
cost per logic gate or memory cell is reduced as more devices and circuits are 
formed per unit chip area. Furthermore, smaller devices have smaller capacitances 
and hence can switch faster, leading to better circuit performance. 

Photolithography uses light to develop photosensitive material and create the 
features required in an integrated circuit. The main steps of the processing sequence 
for patterning are as follows: 

1. Place the desired material to be patterned on the surface of the silicon ( or on 
top of the previous material that has already been processed): 

Step 1: Apply material to water 

Material to be patterned 
Wafer 

2 However, the masks themselves are becoming increasingly more expensive and cou~ run >$IM US 
in advanced deep submicron technologies. 
3 As a reference point, a hair from your head is about 50 µm in diameter! 
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2. Spin photoresistive material on top of the first material. Positive photoresist 
is a material that is difficult to remove unless it is exposed to ultraviolet (UV) 
light, and negative photoresist is difficult to remove unless it is not exposed 
to ultraviolet light. Typically positive photoresist is in use today: 

Step 2: Spin on a 
photoresistive material 

Photoresist 

Material to be patterned 

3. Place a glass mask over the wafer and expose the resist material to UV light 
(positive photoresist assumed). The exposed areas are now soluble in a 
chemical agent: 

Step 3: Pattern photoresist with 
UV light through glass mask 

I ---- UV light 

t r:::: Glass mask 

Chrome pattern 

Soluble photoresist 

4. Using the appropriate solvent, remove the resist and expose areas of the 
underlying material to be patterned. Etch away the underlying material to 
form the desired pattern: 

Step 4: Apply specific processing 
step such as etch, implant, 
oxidation, after removing 
soluble photoresist 

~----Etch away 
unwanted material 

5. After the previous step is completed, remove the rest of the photoresist: 

Step 5: Wash off resist 

The steps just described are used repeatedly for every major processing step 
whether it is oxidation, ion implantation, or deposition. However, due to the fine res­
olutions needed today, photolithography is reaching certain physical limits. Mini­
mum feature sizes less than 0.35 µ,m are feasible from the standpoint of device oper­
ation but cannot be achieved with standard optical lithography because the 
wavelength of light is about 0.4 µ,m. To overcome this limitation of optical lithogra­
phy, optical proximity correction (OPC) and phase-shift masks (PSMs) are in com­
mon use. These operations either pre-correct the masks to provide the desired final 
image on the chip, or use masks that phase shift the light to avoid unwanted inter­
ference patterns. Such advanced techniques have been used at 130 nm and below. 

3.2.3 Making Transistors 

Now that the basic photolithographic step has been illustrated, the manner in which 
transistors are made can be described. Deep submicron transistors are fabricated 
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using a number of complex steps. Since our objective here is to highlight the main 
steps in the process, we will only present an overview of transistor fabrication. The 
major steps of a CMOS process are as follows. 

1. Define well areas and transistor regions. The first set of photolithographic 
steps is used to specify the areas in which the transistors will be fabricated. 
NMOS devices are diffused in a p-type well. PMOS devices are diffused into 
an n-type well. In recent technologies, twin tubs are used, meaning that an 
n-well and a p-well are separately diffused into a common substrate. The 
transistor areas defined within the well areas are separated from one another 
using shallow trench isolation (STI). The "trenches" are dug out of the sili­
con in regions between transistors, and oxide is deposited in these trenches 
using a chemical vapor deposition process ( CVD). The density of transistors 
today requires the exclusive use of STI. 

Cross-sectional view Plan view 
p-well n-well 

2. Define gate region. The second set of lithographic steps defines the desired 
patterns for gate electrodes. In a 0.13 µ,m process, a clean thermal oxide 
about 22 A thick is grown in the transistor areas by exposure to oxygen in a 
furnace. This is the gate oxide. This thin oxide is the insulator in the MOS 
structure. Threshold adjustment implants are applied to the two gate regions 
to achieve the desired Vy values for PMOS and NMOS devices, respectively. 

Gate oxide Gate oxide 

3. Define poly gate. Another CVD process deposits a layer of polycrystalline sil­
icon (poly) over the entire wafer. Undesired poly and the underlying thin 
oxide are removed by chemical or plasma (reactive gas) etching thus pro­
ducing a self-aligned4 gate node. The term "self-aligned" refers to the fact 
that the source and drain regions will automatically align with the poly gate 
if the gate is placed down first. 

4 When metal gates were first used, it was difficult to align the gate over the channel region precisely. The use 
of polysilicon as the gate material eliminated this problem since it would be placed down first and the source 
and drain regions created afterwards. The chip yields increased dramatically and led to the exclusive use of this 
approach in MOS technology. 
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4. Form source/drain regions. A p+ dopant (boron) is introduced into the n­
well to form the p-channel transistor source and drain. Ion implantation is 
used for each doping step. Then an n+ dopant (phosphorus or arsenic) is 
introduced into the p-well that will become the n-channel transistor source 
and drain. The poly gate requires a doping level that is n+ for NMOS devices 
and p+ for PMOS devices. This can be performed at the same time as the 
respective source/drain implants. During a subsequent annealing step, the 
final junction depth and undesired lateral diffusion under the gate are estab­
lished. 

,/ implant p+ implant 

HUH+ +HUH 

5. Deposit silicide material. The source, drain, and gate materials have relatively 
high resistance that may slow down the operation of the transistor. To reduce 
the resistance, a silicide material is deposited onto the source, drain, and poly 
regions. The masking step also defines the areas in which contacts to the 
transistors are to be made. Chemical or plasma etching selectively exposes 
bare silicon or poly in the contact areas. 

Polycide 

Now that the basic processing sequence for transistors has been described, we 
provide a few more details. Relative to early generations of MOS fabrication, the 
major changes are shallow trench isolation (STI), extensive channel region engi­
neering, and the use of silicide materials to lower resistance. In Figure 3.2, the final 
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Polycide 
Spacers 

Thin oxide 

n+ 

STI ST! 

p-well 

Figure 3.2 
Deep submicron CMOS transistor structure. 

extensions 

n-well 

Poly gate 

Shallow 
trench isolation 

ST! 

structure of the NMOS and PMOS devices is shown. The n-channel and p-channel 
devices are placed in separate wells that sit in heavily doped substrates to avoid 
latch-up, as described later. The STI region is composed of oxide material that is 
deposited in shallow trenches etched into the silicon. The channel region has a vari­
ety of implants to adjust the threshold voltage and to reduce short-channel effects. 
The source and drain regions feature lightly doped extensions to reduce the possi­
bility of junction breakdown and hot-carrier effects.5 For the NMOS device, ini­
tially phosphorus is implanted and self-aligned to the poly gate edge to form the 
lightly doped region. Then, oxide is grown and etched to form the "spacers." An 
arsenic implant follows to create the heavily doped regions. A similar process is used 
for the PMOS device with boron. 

In Figure 3.2, the self-aligned polysilicon gates and their thin oxide are directly 
above the channel with spacers on either side. Today the dielectric constant, or k, of 
a silicon dioxide gate, is roughly 4. As technology scales, the oxide is so thin that cur­
rent tunneling through the gate node is likely to occur. 1b avoid this, thicker mate­
rials with higher k values are being pursued, the so-called high-k gate dielectrics. 
Target values of k for the gate material are expected to be in the vicinity of 10-12 
once the process quality issues have been resolved. 

To reduce the resistance of the gate and source/drain regions, silicide materials 
such as TiSi2, WSi2, PtSi2, C0Si2> or TaSi may be used. The silicide material can be 
seen in Figure 3.2 on top of the polysilicon and the source/drain regions. For exam­
ple, if titanium is deposited on exposed source/ drain and gate regions, it reacts with 
the silicon surface ( during a subsequent heating process) to produce the TiSi2 sili­
cide, while the poly gate reacts with it to produce polycide.6 The application of sili­
cides for both poly and diffusion are carried out in a self-aligned process using 

5 Hot carriers are electrons or holes created through impact ionization with enough energy to surmonnt the 
energy barrier between silicon and silicon-dioxide. This topic is discussed in more detail in a later section in 
this chapter. 
6 When a silicide is used on top of a polysilicon gate, it is referred to as polycide. 
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spacers that are the materials shown on either side of the poly gate. Self-aligned sili­
cides are often called salicides. One thing to note in the diagram is that the poly 
gates are tall and thin; they may be 2000 A high and 1000 A wide. This gives rise to 
a fringing capacitance from the side of the poly gate to the surface of the silicon 
source/ drain region. This contributes to the overlap capacitance which is a combi­
nation of fringing capacitance and lateral diffusion underneath the gate. 

3.2.4 Making Wires 

Now that the transistor fabrication has been described, the next step in the process 
is to make the wires that connect the transistors. These connections, primarily done 
using a metal such as Al or Cu, are commonly known as interconnect. In the early 
generations of MOS technology, only one or two metal layers were available to wire 
up the devices. Since there were only a few thousands devices to connect, the wiring 
process was rather straightforward. With technology scaling, the transistor density 
has increased tremendously following Moore's Law. As the routing capacity of each 
layer was exhausted, additional levels of interconnect were required to complete the 
routing. The number of layers of interconnect has grown over the past 25 years from 
one layer to over eight layers. 

The fabrication of interconnect begins with the first metal layer that is used to 
make contact with transistor source, drain, and gate terminals, and to connect them 
to nearby VDD, Gnd, and inputs/outputs of other transistors. The starting point for 
wire fabrication is the structure after transistor fabrication. 

1. Initially, a layer of insulating material is applied and then polished to a flat 
surface. 

Insulating material 

2. Next, contact holes are etched into the insulator and filled with a conduct­
ing material such as tungsten. 

Contact cuts filled with tungsten Contact cuts 
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3. The metal material (either aluminum or copper) is then applied to the sur­
face and patterned to form the desired wires. 

Deposited and patterned metal 1 

4. Next, another passivation layer is applied and polished to a flat surface. 
Another set of holes are cut into this layer for vias. This is the name used to 
describe material that forms connections between adjacent layers. Then 
another layer of metal is deposited and patterned. The final structure, 
including the second layer of metal, is shown below. 

Deposited and patterned metal 2 

Metal 1 Metal 2 

Similar steps are used to create the remaining metal layers that form a multi­
level metal structure. 

Figure 3.3 shows a representative interconnect structure with six layers of metal 
in a cross-sectional view. Notice that the dimensions of each layer are different since 
each layer has a specific purpose. For example, the upper layers of metal are used for 
global signals, clock, and power distribution, and must carry large amounts of cur­
rent. Their cross sections are made relatively large to keep the resistance levels low. 
The lower levels are intended for block-level and cell-level routing and are kept 
small for high density. 

The different levels are connected to each other using contacts or vias. Gener­
ally speaking, contacts are used to connect wires to transistors, while vias are used 
to connect one metal layer to another. In the past, aluminum (Al) was used for the 
metal layers and tungsten (W) was used to implement vias. However, due to 
increases in resistance and electromigration7 problems, other materials have been 
pursued to replace Al. The properties of copper (Cu) have been known to be supe­
rior to Al for a long time, but its incompatibility with Si and Si02 limited its use 
until a solution to this problem could be developed. Unfortunately, copper diffuses 

7 Electromigration is described in later chapters as the movement of metal material over time due to current 
flow. Eventually, the metal may break and cause an open circuit (or a short circuit to a neighboring line) that 
leads to failure of the circuit. 
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Figure 3.3 
Multilevel metal interconnect. 

very rapidly in silicon, and so great care must be taken to prevent contamination. 
Typically, a thin copper-cladding material such as TiN is used to surround it to pre­
vent Cu from diffusing into Si02• This innovation has propelled copper into main­
stream usage. Recently, Cu has been used for both wires and vias using a dual Dam­
ascene process, as depicted in Figure 3.3. Contacts to the poly gate and the 
source/drain regions are performed using tungsten since it has better adhesion 
properties than Cu. 

Note that vias have resistance associated with them and should be kept as short 
as possible. This limits the vertical height between metal layers. Often, an array of 
vias is used to reduce the resistance when connecting between the upper layers of 
interconnect. Also, to connect from metal 2 to metal 5 requires a sequence of metal 
2, via, metal 3, via, metal 4, via, and finally metal 5. Since a direct connect is not pos­
sible, the vias are often stacked on top of one another with metal in between. This 
is referred to as a stacked via. Rules exist on the number of vias that can be stacked. 

One problem in fabricating deep submicron interconnect is that, as layers are 
placed on one another, the surface becomes uneven and this may create stresses and 
strains on the materials in each subsequent layer. Before a new layer of metal is 
placed on the chip, the surface must be planarized to assist in the photolithographic 
process of subwavelength geometries, and to avoid problems in the upper layers due 
to the unevenness of the previous layers. For this purpose, a procedure called chem­
ical mechanical polishing (CMP) is employed whereby a chemical agent and a pol­
ishing mechanism are used to remove unwanted material until the surface is highly 
planar. 

Chemical mechanical polishing is used in the front-end process for the pla­
narization of the oxide material in shallow trench isolation, and in the back-end, for 
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Figure 3.4 

(a) Capacitance of 
two parallel plates 

Capacitance and resistance of interconnect. 

(b) Resistance of a conductor 

dielectric planarization and metal etch back. Unfortunately, the degree of planarity 
is related to the materials below the polishing surface. If there are high- and low­
density areas of metal, the results in the two areas will not be uniform as dishing may 
occur. Dishing refers to a sagging of the material in certain areas during the CMP 
process. To enhance the performance of CMP, some amount of metal fill ( or poly fill 
for the polysilicon layer) must be specified by the chip designer in the vacant areas 
to produce more planar surfaces. They are implemented as parallel metal lines dur­
ing chip layout but are not part of the actual circuit. The natural consequences of 
introducing metal fill are to increase coupling capacitances of nearby signal lines on 
the same layer, and on adjacent layers above and below the fills; so it must be used 
carefully. 

3.2.5 Wire Capacitance and Resistance 

The two most important characteristics of the interconnect today are the capaci­
tance and resistance. We first examine the capacitance of the wires in the intercon­
nect structure. Consider a parallel plate capacitor shown in Figure 3.4a, with length 
L, a width W, and a separation of t between the plates. 8 

The basic formulation for a parallel-plate capacitance is given by 

ks 
C = - 0 WL (3.1) 

t 

where s0 is the permittivity of free space, k is the relative dielectric constant of the 
insulator, and tis the thickness of the insulating material. Although Equation ( 3 .1) 
is only suitable for an isolated parallel-plate capacitor, it can give us some insight 
into the issues associated with deep submicron interconnect. 

Consider the configuration of metal 1 and metal 2 wires shown in Figure 3.5. 
Three metal 1 wires are running adjacent to each other and going into the page. 
They are situated above a ground plane, which is the substrate. A metal 2 wire runs 

8 Note that these dimensions are not the channel length, channel width, and thin-oxide thickness. We have 
switched to the study of interconnect rather than devices. 
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Ground plane 

Figure 3.5 
Wire dimensions for capacitance calculations. 

on top of these wires. All the dimensions in the vertical direction are established 
during the fabrication process. That is, the height above the substrate and between 
different layers, H, and the thickness of the wires, T, are fixed values that cannot be 
modified by the designer. On the other hand, the horizontal dimensions are under 
the designers' control. Specifically, the width, W, spacing between wires, S, and the 
wire length, L, are all design variables. 

If we focus on the center wire on metal 1 for a moment, there are many sources 
of capacitance. First, there are two area capacitances between it and the substrate 
below and the metal 2 above that depend on HI and H2, respectively. Second, there 
is lateral capacitance between adjacent wires on the same level that is dependent on 
the spacing, S 1. Finally, there are fringing capacitances between the conductor side­
walls and the upper conductor and lower substrate. Extracting the value of all of 
these capacitances would require three-dimensional analysis of the structure, and 
the total capacitance on the middle wire would be the sum of all the capacitances. 
Since capacitance controls the delay in our signals and determines the power dissi­
pation, we seek to minimize the total capacitance seen by any wire. 

There are many ways we can reduce the capacitance from a design perspective. 
The primary method is to space out the wires by making Sas large as possible. From 
a fabrication perspective, Equation (3.1) tells us that the thickness, t, should be 
made as large as possible and the dielectric constant, k, should be made as small as 
possible. Here, the thickness is the height of the insulator between two metal lines 
on different layers, called the interlayer dielectric (ILD). It is important in deter­
mining the capacitive coupling between wires on adjacent layers. Of course, if His 
too large, the overall height of the vias would increase. This tends to increase resist­
ance and reduce reliability. The dielectric constant, k, of the insulating material is 
also important in determining the degree of capacitive coupling. The material 
between the metal lines is an insulator, typically silicon dioxide. The k for silicon 
dioxide is approximately 4. Recently, process engineers have developed dielectrics 
with lower values of k and these are referred to as low-k dielectrics. Values of k = 3 
are in production use today. The goal is to reach a k of roughly 2 within the next few 
years, if possible. 
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The discussion of interconnect capacitance will continue in later chapters. We 
now turn our attention to wire resistance. One of the main reasons for switching 
from Al to Cu is due to the resistance associated with the two materials. In the past, 
wire resistance was low and could be ignored. Wires were either too short to be of 
concern or they were so wide that the resistance was negligible. In modern tech­
nologies, the line widths are very small and the resistance has gone up considerably. 
This increase in resistance has led to a number of issues in design, namely, inter­
connect delay in signal lines and voltage drop in the power grid. These issues will be 
elaborated in later chapters. Here, we examine the resistance calculations and their 
implications for deep submicron wires. 

The resistance of a material is given by 

pL pL 
R=-=-

A TW 

where p is the resistivity of the material in !l-cm, L is the length of the wire, Tis the 
thickness of the wire, and Wis the wire width. This is illustrated in Figure 3.4b. 

The leading term is an important one: 

R = £.. 
sq T 

where Rsq is termed the sheet resistance and has the units of ohms per square (fi/0). 
The sheet resistance of any metal layer can readily be computed from the resistivity 
and the thickness, T. The two most common materials for metal are aluminum, 
with p = 2.7 µ!l-cm, and copper,9 with p = 1.7 µ!l-cm. As a point of comparison, 
tungsten has a much higher resistivity of 5.5 µ!l-cm. 

The resistance of a segment of wire is 

The ratio of LI Wis referred to as the number of squares of wire. It is the aspect ratio 
of the wire in terms of length and width. Over the years, wires have been getting 
longer and narrower which increases the resistance since the number of squares 
increases. To keep resistance relatively low, the value of Thas not been scaled at the 
same rate as the minimum line width. 

In Figure 3.6, the cross-sectional views of the wires are shown as we scale tech­
nology. In the 1970s, the line width was fairly large with 5 µm being a typical value. 
Today, minimum line widths are below 0.13 µm and the resistance per square has 
increased significantly. On the other hand, the thickness of the wire has not scaled 
as quickly as compared to the width to keep sheet resistivity low. The more impor­
tant fact is that the number of squares is significantly larger, partially due to the nar­
rower widths but also due to the fact that wires are continuing to get longer. 

9 In practice, the p for copper is closer to 2.0 / .. d1-cm due to the cladding material needed to avoid diffusion 
into any neighboring oxide. 
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Figure 3.6 
Interconnect cross-sections as technology scales. 

Comparison of Al and Cu Wire Resistance 

Problem: 

tJ D ~ 

Compute the resistance for an aluminum wire in a 1980s 5 µ,m technology and a 
0.18 µ,m technology of the year 2000. Compare this with a copper wire in the year 
2002. First assume that the aluminum wire is 35 µ,m with a resistivity of 2.7 !1-cm 
and thickness of 1 µ,m. Then switch to a copper wire with a resistivity of 1.7 !1-cm 
and thickness of 0.4 µ,m that is also 35 µ,m long. 

Solution: 

Each wire is shown in plan view below. To determine the number of squares of 
resistance, we divide the length of the wire, L, by the width, W, for both cases. We 
can use Figure 3.6 to estimate the thickness. In the first case, the wire is 5 µ,m wide, 
1 µ,m thick, and 35 µ,m long. In the second case, the wire is 0.18 µ,m wide and 
0.5 µ,m thick. From these values, we can compute the resistance. Note that even for 
these short wires the ratio of the resistance values is SOX. 

1980: = 7 squares 

2000: = 194 squares 

Rs µ,m-wire = 2.7 µ,fl-cm/ 1 µ,m X 7 = 0.2 !1 ( 1980) 

Ro.1aµ,m-wire = 2.7 µ,fl-cm/0.5 µ,m X 194 = 10 !1 (2000) 

For the same wire in a 0.13 µ,m process, we have 

Ro.13 µ,m-wire 1.7 µ,fl-cm/0.4 µ,m X 269 = 11 fl (2002) 

Note that the resistance for the wire in a 0.13 µ,m technology has been held to 
roughly the same value as in the 0.18 µ,m technology due to the switch to copper. 

Example 3.1 
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3.3 Layout Basics 
An important step in the design of any IC is the layout of the chip, which defines 
the various layers associated with the masks used in fabrication. The handoff of the 
final layout from the designer to the fabrication facility is called tapeout. Figure 3.7 
shows the tapeout process that involves the flow of mask data from the design 
house, which is the company designing the chip, to the foundry, which is the com­
pany that fabricates the chip. The chip design information is usually represented by 
the designer in graphical form using a layout tool, and then converted into a binary 
output format called GDS-II stream format. 10 This format describes the polygons 
and their (x,y) positions in the layout that comprise each of the layers in the design. 
The geometric information must comply with a set of design rules that the foundry 
has painstakingly developed for a specific technology, such as 0.13 µm. The foundry 
also provides process parameters that are used for simulation purposes. 

The goal of the layout process is to implement the design in a compact area 
while satisfying the design rules set by the foundry. Layout design is as much an art 
as it is a science, but there are some fundamental guidelines that must be adhered 
to if a chip is to be fabricated successfully. These guidelines, when violated, are 
flagged by modern CAD tools, called design rule checkers (DRCs), that can handle 
the billions of geometries needed to represent complex layouts. The design rules are 

Figure 3.7 

Design rules 
(layout) 

.._ __ --I Process parameters 
(simulation) 

The flow of data between the design house and the foundry. 

"Tapeout" 

10 GDS is a layout specification format originally developed by the Calma Corporation in the 1980s and later 
used as an industry standard. 
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a set of tolerances based on the minimum feature size imposed by a given technol­
ogy. These tolerances are due to registration error in mask alignment going from 
one pattern to another, process control due to variation in exposure and etching, 
and overlap requirements to ensure low ohmic contact where necessary. 

The minimum feature size for the layout varies according to the technology node 
chosen by the design house. Today, new designs are being implemented in 0.13 µ,m 
technology so the design rules are based on this minimum dimension. Since the min­
imum dimension may change from one technology to another, a technology­
independent term, A, was introduced in the 1980s. The minimum gate length was 
taken as 2A and all design rules were based on this definition (note: this is not the 
channel length modulation parameter). As an example, if the minimum gate length 
is 200 nm, then A = 100 nm. Similarly, for L = I 00 nm, we set A 50 nm. While the 
notion of a linear scaling factor A is not used in advanced technologies, it is still 
instructive when describing design rules and it will be used frequently in this book. 

In general there are two types of design rules. One set is associated with the res­
olution possible in a particular layer and the second set is used for alignment con­
straints between two different layers. These two types are illustrated in Figure 3.8. 

In the case of rules concerning resolution, the minimum line width and spac­
ing are defined. In Figure 3.8a, the minimum line width is 3A and the minimum 
spacing is 3A. This is a typical pair of rules for the upper layers of metal. 

Minimum spacing ----- 3A. 

Minimum 
poly width 2A. 

Minimum 
contact 
size 2t.. x 2t.. 

Poly-to­
diffusion 
spacing 2t.. 

Resolution 

(a) 

Alignment 

(b) 

Figure 3.8 
Two types of design rules: resolution and alignment. 

3A.-- Minimum width rule 

Poly overlap 
of field 2t.. 

~-'-'-- Minimum contact spacing 
to gate 2t.. 

Minimum contact overlap A 
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The alignment rules are associated with two different layers, as shown in Figure 
3.8b. For example, the poly overlap of field is set to 2A. This rule is required so that 
the gate will completely cover the diffusion region. Otherwise, the transistor would 
become a resistor since the diffusion region would extend from source to drain. 
Another set of alignment rules are associated with contacts. The contacts are used 
to connect metal to diffusion or metal to poly. The minimum size contact is 2A X 
2,\. However, to ensure good contact, the two materials must overlap the contact by 
a minimum amount and, at the same time, must be a safe distance from other lay­
ers. In this example, the overlap of the contact by diffusion and metal is set to ,\ 
while the poly-to-contact spacing is set to 2A. These rules ensure that good contact 
is made between the two desired materials ( diffusion and metal) but not between 
two undesired materials (poly and diffusion). Similar rules hold for poly-to-metal 
contacts. 

More specific layout rules, including minimum (and sometimes maximum) 
sizes of features on all mask layers, accompany every IC manufacturing process. 
There are over one hundred such rules that must be followed to satisfy the fabrica­
tion requirements. These rules are checked by DRC programs and must pass cleanly 
before a design is accepted by the foundry service. For actual chip layout, the pre­
cise information should be obtained from the foundry service. Typically, these rules 
are specified in absolute dimensions rather than in terms of A. The details of new 
fabrication technologies, including the layout rules, are generally proprietary and 
are rarely disclosed by manufacturers, except to their customers. 

The design rules have implications in terms of the minimum-size transistor 
that can be fabricated. Consider Figure 3.9a where a minimum size NMOS transis­
tor has been laid out in a p-well, with a well contact shown. The minimum channel 
length is 2A as expected. However, the minimum channel width is 4,\, not 2,\ as one 

(a) 

Figure 3.9 

11+ diffusion 

Polysilicon 

n+ diffusion 

p-well 

p+ diffusion 

Contact 

Alternative layouts of a minimum-size transistor. 

1 
G L=2A 

T 

(b) 
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might expect. This is due to the fact that the contact is 2A X 2A and the diffusion 
must overlap it by 1A on all sides. This adds 2A to the width, which makes the min­
imum width equal to 4A. The diffusion regions must extend out a minimum of SA 
since the contact-to-diffusion edge is A, and the contact-to-poly spacing is 2A. 
Therefore, the minimum diffusion area is 4A X SA. 

In order to create a transistor with W = 2A, it will cost some extra area as 
shown in Figure 3.9b. The contacts must be pushed out and a narrow diffusion 
region created for the desired transistor width. The p-well edges (not shown) would 
also have to be pushed out due to design rules, and this may affect the spacing rules 
for nearby n-wells. While it is possible to create a minimum-size transistor when 
needed, it is more convenient to create a device with W = 4A. It also has twice as 
much drive capability. The diffusion area is about the same in both cases. 

The other interesting feature shown in Figure 3.9a is the well contact which is 
composed of a p+ diffusion contact that will eventually connect to a metal line (not 
shown) that is attached to Gnd. This is the layout view of the bulk terminal of the 
transistor. The metal line, if added, would run across the well contact and also con­
nect to the source of the NMOS transistor. This would ensure that the pn junctions 
were properly reverse-biased. Of course, the PMOS device has similar minimum 
size and well contact considerations that were just described for the NMOS device, 
with the polarities and materials of the opposite type. 

3.4 Modeling the MOS Transistor for Circuit Simulation 
Computer circuit simulators are essential tools in the analysis and design of MOS 
circuits. The computer program SPICE and its commercial derivatives, such as 
HSPICE™ and SmartSPICE™, are widely used for such tasks and are used for 
examples in this text. Other circuit simulators such as SpectreTM require similar 
modeling considerations. 11 One key point to stress is that a circuit simulator is not 
a circuit design tool but rather a circuit analysis tool. Novice designers have been 
known to use SPICE in a circuit design role, but it is not a replacement for thinking 
about how a circuit should work or how to design a circuit. The role of SPICE is to 
validate your design and its proper operation. It allows the designer to try various 
optimization techniques and carry out simulations that include process variations. 
In this mode, SPICE is one of the most useful tools in the integrated circuits 
industry. 

3.4.1 MOS Models in SPICE 

The SPICE tool simulates a user-specified circuit description with built-in models 
for each type of circuit element. The circuit description must include layout dimen­
sions for each device to produce accurate results. The MOS transistor models are 
based on device physics and empirical equations derived from measurements of 

11 HSPICE is a trademark of Synopsys. SmartSPICE is a trademark of Silvaco. Spectre is a trademark of 
Cadence. 
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fabricated devices. The device models are developed by a group whose main respon­
sibility is to accurately capture the behavior of semiconductor devices in the form 
of equations such as those described in Chapter 2 for Vy, IDs, and capacitance. Once 
the model developers complete the device models, they are coded into a program 
such as SPICE and given a specific name. For example, LEVEL 1 (quadratic model), 
LEVEL 2, LEVEL 3, LEVEL 4 or 13 (BSIMl), LEVEL 39 (BSIM2), LEVEL 28, and 
LEVEL 49 (BSIM3) are well-recognized names within the industry for the different 
built-in models incorporated into SPICE over the past 25 years. Only one such 
model is invoked during any given run of SPICE. 

Each of these models has a number of model parameters associated with them. 
The number of parameters can vary depending on the complexity of the model. 
Some of the parameters are related to the physical process technology, such as t

0
x, xj, 

NA, ND, µ,0, and so on. Other electrical parameters are associated with the transistor 
current equations or capacitance equations such as Vy, y, ,,\, and Cjo· Yet another set 
are used to capture certain advanced features of the devices such as short-channel 
effects, narrow-channel effects, and device resistances. Using these parameters, 
SPICE computes the currents and capacitances of the devices during model evalu­
ation, using the device voltages Vcs, Vvs, and VBs· If some parameters are not spec­
ified, they are computed internally by the program. As an example, if y is not spec­
ified, it will be computed using NA. 

The actual values assigned to the SPICE model parameters are generated 
through a process called parameter extraction. The group responsible for this activ­
ity is associated with the fabrication service, as shown in Figure 3.7, which in this 
case is the foundry. In parameter extraction, actual devices are measured in a vari­
ety of configurations. The measured data is fed to software programs that produce 
the parameter values. Some of the parameters have a physical meaning, so their val­
ues are known in advance, while others are empirical in nature and are only used to 
fit the equations to the measured data. 

Once these parameters are extracted, they are placed in a file called a model 
library. There are many such MOS models in the model library. First, there are dif­
ferent sets of parameters for NMOS and PMOS devices. There are also different 
parameter sets for ranges of Wand L values ( called model binning) and for process 
variations. To fully capture all possible realistic scenarios, there may be dozens of 
different parameter sets in a model library. 

After the models have been placed in the library, they are delivered to the design 
house for use in chip design. These model libraries should be "checked-out" thor­
oughly for accuracy and consistency using the SPICE program. This is done by run­
ning SPICE on a variety of different device sizes and operating conditions. Once 
they are approved for use, they are made available to the chip designers for actual 
simulations. 

3.4.2 Specifying MOS Transistors 

In Figure 3.10, an NMOS transistor layout is shown along with its corresponding 
symbol. The source and drain region extensions are specified by Y5 and YD. We will 
assume that Y5 = YD = Y for our purposes, but they may differ from device to 
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NMOS 

D 

s 

MOS layout and schematic for SPICE modeling. 

device. There is a small poly gate overlap of the field given by Z X L, which is usu­
ally small. 

In the SPICE program, the user may specify the transistors and their connec­
tion with the format given below: 

MOSFET 

Mxxx D G S B mname L = value W = value AD= value PD= value AS= value PS = value 

Mxxx 

D 

G 

s 
B 

mname 

The instance name of the MOSFET. 

The drain node. 

The gate node. 

The source node. 

The bulk node. 

The name of the model to be used. This is also where you distinguish 
between a PMOS and NMOS. 

The length of the transistor. 

The width of the transistor. 

The area of drain diffusion bottom region. 

The drain edges to be used for sidewall capacitance. 

The area of the source diffusion bottom region. 

The source edges to be used for sidewall capacitance. 

The specification begins with an "M" and a sequence of letters to form the instance 
name. This is followed by the drain, gate, source, and bulk connections. Next, the 
model name is specified. After the model, the dimensions of the device are provided 
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Example 3.2 

beginning with L and W. The areas of the source and drain are provided as AS and 
AD, respectively, for the bottom junction capacitances. Typically, the area of the bot­
tom is specified as W X Y. This value is multiplied automatically by the junction 
capacitance coefficient for the bottom edge. The periphery of the source and drain 
is also provided to calculate the sidewall capacitance. The two parameters, PS and 
PD, should be set to W since we are interested in the channel facing edge only. 

Note that SPICE first precomputes effective values of Land W: 

Leff L D.L 
(3.2) 

Weff W D. W 

The values of D.L and D. Ware based on systematic length or width reductions and 
process-related variations. We will use Weff and Leff below to conform to these pre­
computed values. 

SPICE MOS Transistor Specification 
To illustrate how a MOS transistor is specified to SPICE, we assume that L = 0.2 µ,m, 
W 0.4 µ,m, and Y 0.5 µ,m. Then, AS AD W x Y (0.4 µ,m) (0.5 µ,m) and 
PS = PD= 0.4 µ,m. If the drain node is drainn,and the gate node is gaten, while 
the source and bulk are grounded, we would specify the transistor instance as 

Ml drainn gaten Gnd Gnd NMOS1 l=0.2u w=0.4u ad=0.2p pd=0.4u as 0.2p ps=0.4u 

Here, the model invoked from the library is called NMOS 1. The length, width, areas, 
and perimeters are all specified in absolute units of meters. Another alternative is to 
define a scale factor ,.\ = 0.1 µ.,m (note this is not the channel length modulation 
parameter). Then all the transistor dimensions can be scaled relative to this value. 
This greatly improves the readability of the transistor description. It is specified using 
the .opt directive. For the same specifications, the device could be re-written as 

.opt scale=O.lu * Set scale factor=lambda 
Ml drainn gaten Gnd Gnd NMOS1 1=2 w=4 ad=20 pd=4 as=20 ps=4 

The model used by the simulator is given as NMOSl in the above input speci­
fication. This would be retrieved from the model library and invokes one of the 
built-in device models. The LEVEL 1 and BSIM3 are the two device models consid­
ered in this book. The LEVEL 1 model employs the equations derived in Section 2.4. 
Today, BSIM3v3 is the workhorse model in industry and is adequate for most deep 
submicron MOS digital circuit analysis and design, provided parameters are extracted 
from measured data. This model is based on the description in Section 2.5. We now 
describe these two models in more detail. 
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3.5 SPICE MOS LEVEL 1 Device Model 
The de characteristics of the MOS LEVEL 1 model are defined by the device elec­
trical parameters12 VTO, KP, LAMBDA, PHI, and GAMMA. These parameters are 
directly associated with the model developed in Section 2.4. Ideally, the user should 
specify these parameters after measuring actual devices and extracting the corre­
sponding values. However, these electrical parameters are computed by SPICE if 
process parameters, such as NSUB, TOX, and UO, are given; user-specified values 
always override internal calculation. 

To illustrate one flow in SPICE, assume that VTO, NSUB, LAMBDA, TOX, and 
UO are specified by the library model. The computation of the threshold voltage 
begins with the calculation of the surface potential, PHI, based on the substrate 
doping level, NSUB: 

kT (NSUB) PHI = 2 X - ln --
q n; 

The oxide capacitance is computed using TOX: 

eox C =--"-
ox TOX 

The body-effect parameter is then computed using NSUB and C0x: 

'V 2e5;q X NSUB 
GAMMA=-----

Cox 

Finally, the threshold voltage is computed using the following equation: 

V7 = VTO + GAMMA('VPHI - VBs - VPHI) 

(3.3) 

(3.4) 

(3.5) 

(3.6) 

VTO is positive for enhancement-mode n-channel devices and negative for p-channel 
devices. 

Next, the current equations are computed using the threshold voltage. If KP is 
specified, it is used directly in the current expression. If not, the mobility, UO, is 
used to compute it: 

KP= UO X C0x 

For the linear region, the current expression is 

V1Js](l + LAMBDA X VDs) 

12 SPICE parameters will be indicated with capitalization of all text when referring to the parameter. 

(3.7) 

(3.8) 
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For the saturation region, the current expression is 

_ WeJJKP 2 IDs - 12(VGs - Vy) (1 + LAMBDA X VDs) 
eff 

VGs :2:: Vy VDs 2:: Vcs - Vy 

(3.9) 

Note that the channel length modulation parameter, LAMBDA, is used in both lin­
ear and saturation expressions for continuity of the current. It is important in 
SPICE that the equations be continuous from one region to another. Otherwise, the 
numerical methods used in the program have some difficulty converging to a solu­
tion. For this reason, the linear and saturation regions both require a term, 
(1 + LAMBDA X VD5), even though its effect is most prominent in the saturation 
region. As mentioned before, if any of the values of GAMMA, KP, or PHI are spec­
ified in the model library it would override the calculations given above. 

The capacitances of MOS devices, modeled in several parts, are defined so they 
may be calculated easily from actual circuit layouts. Three constant capacitors, 
CGSO, CGDO, and CGBO, represent gate-source, gate-drain, and gate-body over­
lap capacitances. The CGBO term is due to the gate extension into the field region, 
defined by the region Z X Lin Figure 3.10. The thin-oxide gate capacitance is cal­
culated by the program as a function of applied voltages and distributed among the 
gate, source, drain, and body regions. The charge storage effects are included only 
if TOX is specified in the input description. There are two built-in models of the 
gate capacitances. LEVEL 1 uses the piecewise-linear voltage-dependent capaci­
tance model proposed by Meyer. This model does not necessarily conserve charge 
and therefore must be used with care. It is not suitable for many circuits that rely 
on charge conservation of the model for proper operation. A more advanced 
model is available in higher-level MOS models such as BSIM3, as discussed in the 
next section. 

The junction capacitances, for both source-body and drain-body pn junctions, 
are divided into bottom and periphery components. The junction capacitances are 
determined by the parameters CJ, CJSW, MJ, MJSW, and PB. Note that CJ is speci­
fied in F/m2 and must be multiplied by the area of the source or drain, whereas 
CJSW is specified in F/m and must be multiplied by the perimeter of the source or 
drain. CJSW is premultiplied with the junction depth, XJ. The following equations 
are used to compute the capacitances: 

CJD= 
CJ X AD CJSW X PD 

( 
VJ )MJ + ( VJ )MJSW 

1-- I--
PB PB 

drain junction 

CJ X AS CJSW XPS 

+ ( VJ )MJSW 
I--

PB 

source junction (3.10) 

When specifying the information for a given transistor, it is important to include 
AS, AD, PS, and PD so that the correct calculations for junction capacitance can be 
performed. 

ONSEMI EXHIBIT 1038, Page 133



FABRICATION, LAYOUT, AND SIMULATION 113 

There is some overlap among the parameters describing the junction current; 
for example, the reverse current can be input either as IS (in A) or as JS (in A/m2). 

Whereas the first is an absolute value, the second is multiplied by AD and AS to give 
the reverse current of the drain and source junctions, respectively. This flexibility has 
been provided so that junction characteristics can either be entered as absolute val­
ues on model statements or related to areas AD and AS entered on device statements. 

The MOS transistor has series resistances associated with the source and drain 
regions. If needed, these parasitic resistances can be expressed as either RD and RS 
(in D) or RSH (in D per square), the latter being multiplied by the number of 
squares NRD and NRS specified on the device instance line. 

The reader should not be overwhelmed by the number of parameters and their 
detailed meanings. This is intended to give you the background needed when using 
SPICE. In fact, the LEVEL 1 device model has more parameters than the ones men­
tioned above. The complete list of SPICE parameters used in LEVEL I is given in 
Table 3.1 at the end of this chapter together with the corresponding symbols used 
in this text. 

3.5.1 Extraction of Parameters for MOS LEVEL 1 

To obtain satisfactory results for the LEVEL 1 model in circuit analysis and design, 
measured data on samples of MOS transistors must be obtained. The parameters 
may be extracted by fitting measured data to the device equations over the intended 
operating range of voltages and currents. These are, of course, the first-order equa­
tions associated with long-channel devices, so their use should be restricted to these 
types of devices. Similar steps for fitting parameters to measured data are used for 
the short-channel devices. 

Methods of taking and reducing data to determine VTO, GAMMA, KP, and 
LAMBDA are illustrated in Figure 3.11. If the gate is connected to the drain, the 
device will be in the saturation region of operation, since Vvs > Vcs - Vy- In this 
condition, the long-channel saturation region equation can be rewritten as 

Wv ~ (Vcs - Vy) \/4 (3.11) 

By plotting '\l'2f; versus Vcs as in Figure 3.lla, the x-intercept can be extracted as 

Vy and the slope of the line is . A number of measurements of the current 
eff 

can be made with Vss 0. This will produce the zero-bias threshold voltage, VTO. 
The value of KP can be extracted from the slope. By adjusting V85 , repeating the 
measurements will produce additional values of the threshold voltage. Using these 
Vy values, the body-effect coefficient, GAMMA, can be obtained. 

A second set of measurements is used to determine the channel-length modu­
lation parameter LAMBDA, if needed. As seen in Figure 3.11 b, the device can be dis­
connected at the gate and drain and two separate voltages applied. Keeping the 
device in saturation, two values of VDS can be applied and the corresponding cur­
rents measured. From these two measurements, the value of LAMBDA can be 
extracted. 

ONSEMI EXHIBIT 1038, Page 134



114 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

V58 =0 Vss= 1 Ys8 =2 

+ 

Vss 

+ 

Data points 

Vcs=Vr+l 

= 
0 

( 1) V ro from intercept 

w {21-;; 
(2) k = k' - from slope: {f = __ D -

L Vcs-Vr 

Vr(Vssl Vro 
(3) y = -:::===---:::= 

-Jv.rn - z~F - fui;. 

= 
0 

(a) 

VDI 

2~p= 0.6 V 

Vcs=Vr+l 

V02 
(4) A from: = Vr+ I = Vr+3 

Figure 3.11 

!02 l+AV02 

I01=l+AV01 

MOS transistor parameter extraction. 

Example 3.3 SPICE LEVEL 1 Model Specification 

(b) 

Vcs 

Assume that after parameter extraction, the following values are determined: 

Vro = 0.5 V, k' = JJ,oCox = 300 µ,AjV2
, l24>rl = 0.8 V, 'Y = 0.4 V1l2 and A 0 

Then the corresponding SPICE parameters are 

VTO 0.5 V, KP 300(10-6
), PHI 0.8, GAMMA 0.4, and LAMBDA = 0. 

The library model would be specified as follows: 

.model NMOS1 runos level=l vto=0.5 300u phi 0.8 gamma=0.4 lambda=O 
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In a complete LEVEL 1 specification, many more parameters would be extracted 
and specified in the model line, but this example is only intended to show the 
process involved. 

After specifying the circuit description and connecting it to the appropriate 
model library, the user provides a series of control statements to direct the analy­
sis, and plot or print results. The details of this aspect of SPICE are program­
specific. Tutorial information of this nature is provided in Appendix A. More com­
plete user guides are available from the CAD vendors, and in the references listed at 
the end of this chapter. 

While these examples illustrate the extraction of specific model parameters for 
LEVEL 1, the same basic concepts can be used to extract all of the needed parame­
ters for the advanced models in SPICE. These models are kept in library files that 
are associated with a particular technology and invoked by the user when simulat­
ing a given circuit. Normally, the user should not modify the parameters in these 
files, although the models should be validated using SPICE. Since the models will 
not be generally viewed by users, those who are new to the field may choose to skip 
the next section without any loss to continuity. 

*3.6 BS1M3 Model 
Over the past 30 years much effort has gone into modeling the MOS transistor. Scal­
ing has made what were previously second- and third-order effects into first-order 
effects. Analytical equations much more sophisticated than those presented thus far 
have been developed. More advanced SPICE models are available, such as LEVEL 2 
and 3 models, and more recently, BSIMl, BSIM2, BSIM3, and BSIM4. 

BSIM (Berkeley Short-channel IGFET Model) was developed at the University 
of California at Berkeley in the 1980s and 1990s, and work on the latest model con­
tinues today. BSIM3v3 is currently the most popular model for deep submicron 
devices. It is based on a quasi-two-dimensional model of the MOS device, with both 
physics-based and empirically-based equations. There are over 300 parameters in 
the complete model so the details of BSIM3v3 are beyond the scope of this book. 
However, the parameters for the BSIM3v3 are listed in Table 3.2 together with the 
corresponding symbols at the end of this chapter. 

The goal of BSIM3 is to capture the key features of the de and ac behavior of the 
deep submicron MOS transistor. Conceptually, the equations of Section 2.5 with 
velocity saturation form the basis of the model. The model in BSIM3v3 is much 
more elaborate and considers detailed physical effects as well as measured perfor­
mance of fabricated devices in its implementation. We first describe the binning fea­
ture of BSIM3. Next, the threshold voltage equation, the mobility modeling, and cur­
rent voltage expressions are presented. Finally, the capacitance modeling is described. 

3.6.1 Binning Process in BS1M3 

One of the limitations of any device model is that it is only as good as the parame­
ter extraction that is carried out during the characterization process. Unfortunately, 
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even careful parameter extraction for one device does not track across all the Wand 
L sizes encountered in a design. As a result, a number of models are prepared for 
one technology as illustrated in Figure 3.12. Minimum and maximum widths and 
lengths are selected and a number of bins are defined. Typically, measured devices 
lie at the center of the bins (roughly where the numbers are placed) and are used to 
characterize the entire bin. A large number of parameters are dedicated to the bin­
ning process in BSIM, so it is important to understand this concept. 

As an example, a total of nine bins are shown in the figure. The number and 
ranges for the bins will vary from foundry to foundry. Fortunately, in digital design, 
the minimum length is used for most devices, so the bins labeled 1, 4, and 7 are of 
most interest. However, the user should realize that different models may be 
invoked as the width is modified. Certain boundaries of the bins may have discon­
tinuities that produce "interesting" results in the circuit simulator. As a side effect of 
this binning process, two devices near a boundary may have different drive capabil­
ity if the threshold voltage has a sharp discontinuity across the boundary. It is 
worthwhile to plot, for example, Vy versus Land Vy versus Win SPICE to identify 
any possible issues in the models before using them in a design, especially when a 
new set of models first arrives from the foundry. Otherwise, the fabricated design 
may not match the expected performance from simulations. 

3.6.2 Short-Channel Threshold Voltage 

The threshold voltage expression was derived earlier in Section 2.3 as 

Vy= Vyo + y(V21¢FI + V:sn - ~) 

There are a number of effects that change the threshold voltage relative to the first­
order equation, which we now explore. In BSIM3, the Vy formula starts with the 
same equation: 

Vy= VTHO + y(YPHI - Vns - \/PHI) (3.12) 

7 8 9 

4 5 6 

1 2 3 

Figure 3.12 
Model binning process. 
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Here, the value of VTHO is usually specified or computed using the flat-band volt­
age, VFB. However, this formulation does not accurately capture the vertical doping 
profile in the channel region. They term is actually dependent on the different dop­
ing levels in the channel and substrate regions. The surface doping is due to the 
threshold implant, NCH, while the doping in the substrate is NSUB, a much lower 
value. This variation in the doping profile must be modeled for accuracy. 

In BSIM3, the term 2J¢FI is called PHI and is given by 

kT (NCH) PHI= 2-ln --
q 11; 

where NCH is the doping of the channel region. 

(3.13) 

To properly capture the effects of the two doping levels, the threshold voltage 
equation is modified as follows. First, two y parameters are defined as 

Y2 = 

X NCH 

cox 
V 2B5;q X NSUB 

cox 
The oxide capacitance is computed as usual using 

Then, the two new parameters, Kl and K2, are defined using y 1 and y2: 

Kl f(y2, PHI) 

K2 f( y 1, y2, PHI) 

(3.14) 

(3.15) 

(3.16) 

Effectively, the Kl and K2 terms model the vertical profile in the channel region 
as an abrupt transition from NCH to NSUB at some depth x1• Then, Vy is deter­
mined by 

Vy= VTHO + Kl (VPill..:::. V35 - VPHI) - K2 X V35 (3.17) 

There are two additional Vr effects that are worth noting. Both Leff and Weffhave an 
impact on the threshold voltage. The effect of reducing Leff is to reduce the thresh­
old voltage. As the channel length decreases, the depletion regions of the source and 
drain move closer together and actually aid in the depletion process of the channel 
region. The effect of this charge sharing is shown in Figure 3.13a. This is referred to 
as the classical short-channel effect (SCE). However, there is another effect that 
tends to increase the threshold voltage as Leff is reduced, as shown in Figure 3.13b. 
Due to oxidation-enhanced diffusion, a process whereby impurities gather at point 
defects at the two gate edges during oxidation, the surface doping levels in the chan­
nel region in short channels may be much higher than in long channels. This 
so-called reverse short-channel effect (RSCE), or threshold voltage roll-up, causes 
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(a) SCE 

Figure 3.13 
SCE and RSCE characteristics. 

(b) RSCE 

Vy to increase due to the lateral nonuniformity of the doping across the channel. 
Since SCE and RSCE act in opposite directions, the precise doping profile deter­
mines the dominance of one effect over the other as the channel length is reduced. 
Typically, the Vy "rolls up" as Leff is decreased due to RSCE and then drops off in 
value as the classical SCE takes over. Both can be incorporated in a short-channel 
effect (SCE) term Ll VsCE· It is useful to plot Vy versus Leff for a model to observe 
these effects and also to examine any issues surrounding the binning process. 

In some devices, the width can also play a role in determining the threshold 
voltage. If the channel width is close to the minimum width, the threshold voltage 
can actually increase in value. This is due to the fact that the poly gate overlap of the 
field (in Figure 3.10, the area defined by Z X L) induces depletion-layer charge in 
the field region and this must be compensated for by an additional gate voltage. Its 
relative importance is reduced as the channel width increases, but it must be 
accounted for in narrow devices to derive accurate thresholds. This is called the 
narrow-channel effect (NCE). A term can be added to the threshold voltage, Ll VNcE> 

to account for this effect. It is also useful to plot Vy versus Weff to observe this effect 
and also to examine any issues surrounding the binning process. 

Yet another factor to be included in the Vy calculation is the effect the drain­
source voltage has on lowering the barrier for current flow. Normally, the gate­
source voltage is responsible for inverting the surface by 21</>l In short-channel 
devices, the depletion region around the drain increases as V05 increases, and it 
extends into the channel region. Conceptually, the drain-source voltage is assisting 
the gate voltage in the depletion process. It is referred to as drain-induced barrier 
lowering (DIBL). As the channel length is reduced, the potential barrier between the 
source and drain is reduced even without the application of a drain-source voltage 
due to the SCE described above. However, the potential barrier is reduced even fur­
ther by applying V05 because it enhances the depletion region in the channel. 

Figure 3.14 illustrates this effect. At low values of V05 , the threshold voltage is 
the same as the long-channel case. However, as V05 increases, a decrease in Vy0 is 
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Long-channel device 

Short-channel device 

Figure 3.14 
Drain-induced barrier lowering (DIBL). 

observed that is almost linear with VDs· An adjustment of the threshold voltage can 
accommodate the DIBL effect. We can subtract a term r, VDs from the threshold 
voltage expression to account for the VDs dependence. 

The final form of the threshold voltage expression including all effects men­
tioned here is given by 

Vr = VTHO + Kl VPHI) 
(3.18) 

3.6.3 Mobility Model 

A variety of mobility models are available in BSIM3 to capture the vertical and hor­
izontal field effects. In all these models, the nominal mobility value is UO, and the 
parameters that modify this nominal value are UA, UB, and UC. One particular 
model for the vertical field effect is given in the equation below. It includes the effect 
of the vertical field and the substrate bias voltage, V35: 

uo 
/Lv = ( V: _ V: ) ( V: V: ) 2 (3.19) 

1 + (UA + UC + V35) GS 'I' + UB GS 'I' 

tax tox 

The horizontal field component is based on the piecewise-continuous modeling of 
mobility as a function of the field, as described in Chapter 2. The parameter VSAT 
is the saturation velocity that is provided to BSIM3 and is used to compute the crit­
ical field 

2VSAT 
Ec=--­

f.Lv 
(3.20) 

This relationship is used to guarantee continuity in the velocity versus electric field 
characteristic. 

ONSEMI EXHIBIT 1038, Page 140



120 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

Example 3.4 

3.6.4 Linear and Saturation Regions 

With the threshold voltage and mobility values determined, BS1M3 can compute the 
current through the device in the linear or saturation region using the operating volt­
ages of the device. These equations are similar in form to those derived in Section 2.5, 
although much more complex to account for additional effects. The details of these 
equations are not critical to our discussion here, but the interested reader may consult 
any of the references listed at the end of this chapter for further information. 

BSIM3 1-V Characteristics for 0.18 µm CMOS 

Problem: 

Using a BSIM3 model for a 0.18 µ,m technology, plot /05 versus V05 for both PMOS 
and NMOS by sweeping V05 from Oto V00 = 1.8V at intervals of VGs = 1/2 V00,3/4 
V00 and V00• For convenience, let W = 0.4 µ,m and L = 0.2 µ,m,and set A= 0.1 µ,m. 
What is the ratio of saturation currents between PMOS and NMOS at 

!VGsl=IVosl=Voo? 

Solution: 

*SPICE Input File 
.param Supply=l. 8 * Set value of Vdd 
.lib 'bsim3v3.emos.18um' * Set 0.18um library 

* Set lambda .opt seale=O. lu 
mp drainp Vdd 
mn drainn gaten Gnd 
Vdd Vdd 0 'Supply' 
Vgsp Vdd gatep 
Vgsn gaten 0 
Vdsp Vdd drainp 
Vdsn drainn 0 
.de Vdsp 0 'Supply' 
.de Vdsn 0 'Supply' 
.plot de Il (mp) 
.plot de I1 (mn) 
.end 

240 

210 

< 180 
~ 150 1:! 
~ 120 ::, 
u 
= 90 ·; ... 
Cl 60 

30 

0 
0.0 

Vdd 
Gnd 

de 
de 
de 
de 

PMOS 1=2 w=4 ad=20 as=20 ps 4 
NMOS 1=2 w=4 ad=20 pd=4 as=20 ps=4 

'Supply/20'Vgsp O 'Supply' 'Supply/4' 
'Supply/20'Vgsn O 'Supply' 'Supply/4' 

I os versus V DS for NMOS 

0.2 0.4 0.6 0.8 1.0 1.2 

Drain voltage (V) 

1.4 

Vas= 1.8 V 

Vas= 1.35 V 

Vas= 0.9 V 

1.6 1.8 
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IDs versus V DS for PMOS 

0 

-10 

~ -20 
~ 

Vos =-0.9 V 

1:: -30 
" t:: 

-40 ::, 
u 

" '§ -50 -
Vcs=-1.35 V 

Cl 
-60 

-70 

-80 
-1.9 -1.7 -1.5 -1.3 -1.1 -0.9 -0.7 -0.5 -0.3 -0.1 

Drain voltage (V) 

The ratio of the currents in saturation is obtained by using the topmost curve in 
each plot and computing the currents at V05 = 1.8 V. 

. IDs,N(Vcs = VDD,VDs = Voo) 220 µ,A 
Ratio = = = 2.8 

los,p(Vcs VDo,Vos Voo) 78 µ,A 

This is close to the ratio of 2.4 obtained in the previous chapter from the velocity 
saturation model. 

SPICE Plots to Compute /0 " 

Problem: 

Calculate the current per unit of width in µ,A/µ,m in the saturation region for both 
PMOS and NMOS at V65 = V00 for a 2 X minimum width transistor and a 20 X min­
imum width transistor. Use the 0.18 µ,m technology data of Example 3.4. 

Solution: 

*SPICE Input File 
. par am Supply= 1 . 8 
.lib 'bsim3v3.emos.18um' 
. opt seale=O. lu 

* Set value of Vdd 
* Set 0.18um library 
* Set lambda 

Example3.S 

mp Gnd gatep Vdd Vdd PMOS 
mn Vdd gaten Gnd Gnd NMOS 

1=2 w=40 ad=200 pd=40 as=200 ps=40 
1=2 w=40 ad=200 pd=40 as=200 ps=40 

Vdd Vdd O 'Supply' 
Vgsp Vdd gatep 'Supply' 
Vgsn 
.de 
.de 
.plot 
.plot 
.end 

gaten Gnd 'Supply' 
Vgsp O 'Supply' 'Supply' 
Vgsn O 'Supply' 'Supply' 
de Il (mp) 
de I1 (mn) 
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Example3.6 

Plots similar to those in Example 3.4 are produced. From these curves, the current 
per unit width values are calculated by using the curve associated with VGs 1.8V 
and dividing by the width of the device: 

2X 

20X 

195 

225 

550 

570 

The saturation currents can be quickly estimated using these values if we know the 
device width. 

We will use 550 µ,A/µ,m for the NMOS device and 200 µ,A/µ,m for the PMOS 
device, based on these results. Similar results can be obtained for 0.13 µ,m technol­
ogy. These values are referred to as /on' 

3.6.5 Subthreshold Current 

The subthreshold conduction region, where VGs < Vr, is an important considera­
tion in a multi-million transistor deep submicron design. The key issue is that the 
number of devices that are leaking current is so large that it consumes appreciable 
power. Furthermore, any dynamic logic circuits13 are prone to charge leakage since 
devices are not fully turned off. A number of models exist in BSIM3 to model this 
region of operation. One such model is 

qes;NCH 

PHI 
(3.21) 

This model is similar in form to that described in Chapter 2. Note that the low-field 
mobility is used here since the gate voltage is rather small. 

SPICE Plots of BS1M3 Model in Subthreshold Region 

Problem: 

Plot log(f 05) versus VGs for both PMOS and NMOS by sweeping VGs from O to V00 
with V05 = V00• Compute the current per unit width in the subthreshold region, 
called /0 ff, for each device. 

13 Dynamic circuits are the topic of Chapter 7. 
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Solution: 

*SPICE Input File 
.param Supply=l. 8 * Set value of Vdd 
.lib 'bsim3v3.emos.18um' * Set 0.18um library 
.opt seale=O.lu * Set lambda 
mp Gnd gatep Vdd Vdd PMOS 1=2 w=4 ad=20 d=4 as=20 ps=4 
mn Vdd gaten Gnd Gnd NMOS 1=2 w=4 ad=20 4 as=20 
Vdd Vdd O 'Supply' 
Vgsp Vdd gatep 'Supply' 
Vgsn gaten Gnd 'Supply' 
. de Vgsp O 'Supply' 'Supply/ 2 O' 
. de Vgsn O 'Supply' 'Supply/ 2 O' 
.plot de Il(mp) 
.plot de Il(mn) 
.end 

When VGs 0.0 V, the /0 ff for the NMOS device is 0.01 nA/0.4 µ,m 25 pA/µ,m. For 
the PMOS device, /0 ff = 0.008 nA/0.4 µ,m = 20 pA/µ,m. These levels are relatively 
small compared to lw 

Subthreshold drain current 

1,000,000 

100,000 

10,000 

j 1,000 

E 100 
~ 
::l 10 u 

0.1 

0.01 

0.001 
0.0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 1.8 

Gate voltage (V) 

3.6.6 Capacitance Models 

Many of the comments made earlier about the capacitance models for LEVEL 1 also 
apply to advanced models. However, in the advanced models, charge storage effects 
are much more accurately represented. Internal to the SPICE program, the capaci­
tances are formulated using charge-conserving equations. From a user's perspective, 
the information provided to the program is essentially the same. The main differ­
ence between LEVEL 1 and BSIM3 is that SPICE will produce much more accurate 
results, especially for circuits that rely on charge conservation for proper operation. 
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The nonlinear thin-oxide capacitance due to TOX is calculated by the program 
as a function of applied voltages and distributed among the gate, source, drain, and 
body regions. The three capacitances, Cgs' Cgd' and Cgb' are computed based on the 
region of operation. It is important to point out that charges associated with the 
gate, drain, source, and bulk terminals are computed first, and then capacitances are 
derived from these terms. In this manner, the total charge in the system can be con­
served, thereby producing much more accurate results than LEVEL 1. In addition, 
three constant capacitors, CGSO, CGDO, and CGBO, represent gate-source, gate­
drain, and gate-body overlap capacitances. Today, CGSO and CGDO are due to a 
combination of fringing capacitances from the edge of the poly to the surface of the 
silicon and lateral diffusion. The CGBO term is due to the gate extension into the 
field region and is relatively small. 

The nonlinear depletion-layer capacitances, for both source-body and drain­
body pn junctions, is divided into bottom and periphery parameters, CJ and CJSWG, 
which vary as the MJ and MJSWG power of junction voltage, respectively. The side­
wall capacitance is primarily due to the channel facing edge since the other three 
edges interface to STI oxide and are therefore small. When specifying the informa­
tion for a given transistor, it is important to include AS, AD, PS, and PD so that the 
correct calculations for junction capacitance can be performed. For deep submicron 
devices, PS and PD should be set equal to Wto capture the channel facing edge com­
ponent. The following equations are used to compute the capacitances: 

CJD 
CJ X AD 

+ 
CJSWG X PD 

drain junction 

1 

(3.22) 

Cis = 
CJ X AS CJSWG XPS 

source junction (, -~r + ( VJ) MJSWG 
I--

PB 

The descriptions of the pn junction parameters are otherwise similar to LEVEL 1. 
Again, the reverse current can be input either as IS (in A) or as JS (in A/m2). Whereas 
the first is an absolute value, the second is multiplied by AD and AS to give the 
reverse current of the drain and source junctions, respectively. This flexibility has 
been provided so that junction characteristics can either be entered as absolute val­
ues on model statement or related to areas AD and AS entered on device statements. 

3.6.7 Source/Drain Resistance 

The parasitic drain and source series resistance is expressed as either RD and RS (in 
fl) or RSH (inn per square), the latter being multiplied by the number of squares, 
NRD and NRS, input on the device instance line. In addition, an alternative method 
is available in BSIM3v3 that allows the specification of RSDW, in units of fl-um, 
and RD+ Rs is computed using the width. In its basic form, 

RDSW 
RD+ Rs=---

Weff 
(3.23) 
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*3.7 Additional Effects in MOS Transistors 
In this section, we describe some of the additional features and certain limitations 
on electrical characteristics of integrated circuit MOS devices. 

3.7.1 Parameter Variations in Production 

MOS transistors have always exhibited broad variations in major device parameters 
among production lots. As a result, a wide range of devices are measured and param­
eters are extracted to characterize the statistical variations. Particularly notable are 
variations in channel length, threshold voltage, and gate-oxide thickness. Additional 
models are added to the model library based on the extremes of the key parameters. 
These models are called process corners in that they capture parameters that would 
make the circuit unusually fast or unusually slow. Each corner represents different 
settings of the parameters that represent typical, fast, and slow situations. Designers 
perform SPICE simulations at a number of process corners during design. While 
these matters are progressively coming under better control, it is still quite common 
to find circuits with a 2 to 1 ( or larger) unit-to-unit variation in de power consump­
tion and speed in a single production facility. A common response to this situation 
in industry is to use testing to sort the circuits according to speed and/or power con­
sumption. Typically the fastest circuits are sold at a higher price. 

3.7 .2 Temperature Effects 

MOS transistors display a temperature dependence that must be considered in cir­
cuit design. For example, an increase in temperature slows down the circuits and 
increases the subthreshold current. Parameters such as mobility and threshold volt­
age are temperature-dependent. Testing circuits at high temperature is very costly, 
so means are usually sought to predict high-temperature performance from room 
temperature tests. The process corners for SPICE simulations mentioned above are 
used to capture variations in operating temperature on the chip. In this mode, one 
temperature is specified for the entire design being analyzed. The corners may be 
defined as typical (room temperature), hot, and cold. 

Mobility of carriers in the channel of a MOS transistor is an inverse function of 
absolute temperature according to the following empirical expression: 

( 
T )-1.s 

µ,(T) = /Lo 300°K (3.24) 

where µ,0 is the low-field mobility, and the temperature Tis in kelvins (absolute). 
Thus, for a 100°K temperature increase, mobility may decrease by as much as 40%. 
Consider the current when the transistor VGs is above the threshold voltage. In the 
saturation or linear region, the drain-source current is controlled by the carrier 
mobility. Therefore, the drive current will decrease as we increase the temperature. 

The threshold voltage of both NMOS and PMOS enhancement-mode transis­
tors is also affected by temperature variations. The Vy decreases in magnitude by 1.5 
to 2 m V 1°C with increasing temperature due to changes in cp cc and 2cp F' Usually the 
mobility variations are more significant for digital circuit performance. 
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Example3.7 

It is also interesting to observe the effects of temperature variations on the sub­
threshold current. In the subthreshold region, the current is controlled by the 
minority carrier concentration which is dependent on n; as follows: 

1.5 

n; 
e(1.12/o.os16-EP)/2 v,,,) (3.25) 

where Eg is the bandgap (1.12 eV for silicon). At room temperature, we know that 
n; 1.45 X l0 10/cm3• Therefore, the subthreshold current will increase as the tem­
perature increases. 

From the results above, it is clear that the temperature should be as low as pos­
sible for high drive current and low subthreshold current. 

SPICE Temperature Variations 

Problem: 

Plot /05 versus temperature for both PMOS and NMOS transistors by sweeping tem­
perature from -40° C to 100° C with VGs = 0, V00, and V05 = V00• Explain the results. 
Use the values given in Example 3.4 for a 0.18 µ.,m technology. 

Solution: 

The following input is used to obtain subthreshold results (VGs 0). A similar file 
can be used to obtain saturation results (V65 = V00 ). 

*SPICE Input File 
. param Supply= 1. 8 * Set value of Vdd 
.lib 'emos.18um' * Set 0.18um library 
.opt 
mp Gnd 
mn Vdd 
Vdd Vdd 
Vgsp Vdd 
Vgsn gaten 
.de TEMP 
.plot de 
.plot de 
.end 

seale=O. lu 
gatep Vdd Vdd 
gaten Gnd Gnd 
0 'Supply' 

Gnd 
0 
Il (mp) 
Il(mn) 

gatep 0 

100 
0 
5 

* Set lambda 
PMOS 1=2 w=4 ad=8 pd=4 s=8 ps=4 
NMOS 1 2 w=4 ad=8 as 8 ps=4 

The results are shown in the following figures. For the subthreshold region, the cur­
rent increases as temperature increases. This is due to an increase in the minority 
carrier concentration, according to Equation (3.25), which controls current flow in 
this region of operation. In the case of the saturation region, the majority carrier 
current is controlled by the mobility. As temperature is increased, the mobility is 
reduced as indicated by Equation (3.24), and therefore the current is reduced. 
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Subthreshold current versus temperature 
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3.7 .3 Supply Variations 

In addition to the process and temperature variations, there are also variations in 
the supply voltage from one region of the chip to another, depending on the current 
flow in the power grid. The voltage changes are due to resistance and inductance of 
the metal lines that comprise the power grid. These voltage changes are referred to 
as IR drops and Ldi! dt variations. If the voltage on the supply drops, the circuit 
slows down. If the drop is significant, the circuit may not function properly. Typi­
cally, designers account for this variation using process corners. The supply is 
reduced by 10% uniformly across the whole design during simulation. Even though 
this is not accurate, the circuits that are simulated are rather small and the simula­
tions will provide useful results for these blocks. 
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3.7 .4 Voltage Limitations 

One effect that is not generally considered as a major design issue today is the hot­
carrier effect (HCE). When Vcs is large and VDs is large, carriers achieve high energy 
levels that can cause impact ionization near the drain end to generate hole-electron 
pairs. In NMOS devices, the holes are swept into the bulk to create substrate current 
while the "hot" electrons are injected into the oxide, thereby increasing the thresh­
old voltage and potentially damaging the device. The effect is also seen in PMOS 
devices as "hot" holes. Device technology was augmented to introduce lightly doped 
drain and source diffusions called LDD regions. The typical source/drain doping 
levels are 5 X 1019 to 1020/cm3 whereas LDD regions are in the range of 5 X 1017/cm3• 

This reduces the field in these regions and reduces the generation of hot carriers. An 
additional benefit is that the pn junction breakdown voltage increases. However, the 
series resistance of the source and drain increases as a side effect. In devices today, 
the supply voltage is being reduced as technology scales, and the carriers no longer 
gain sufficient energy through collisions to surmount the potential barrier. As a 
result, the likelihood of hot carriers or junction breakdown is diminishing. The 
doping levels in these LDD regions are now in the range of 4 X 1018 to 8 X 10I8/cm3, 
effectively decreasing the series resistance. 

Note that if we apply a very large VDS which continues to increase, eventually 
the source and drain depletion regions will coalesce and punch-through will occur. 
This is essentially the drain depletion region extending under the channel region to 
the point where it reaches the source depletion region. In this situation, the current 
will increase dramatically and possibly damage the device. To prevent this, the chan­
nel region is doped with additional p-type material to limit the extent of the deple­
tion regions. The presence of punch-through in a device reflects a problem in the 
fabrication technology. It should not occur for normal operating voltages of the 
MOS transistor. 

3.7.5 CMOS Latch-up 

All MOS transistor integrated circuits have undesired and potentially troublesome 
parasitic bipolar transistors that will conduct if one or more pn junctions become 
forward-biased. The potential consequences of bipolar transistor actions are much 
more serious in CMOS circuits. Figure 3.15 illustrates that a pnp transistor is possi­
ble with the n-type body as its base, while an npn transistor is possible with an n+ 
source or drain electrode as its emitter, the p-well as its base, and the n-body as a 
collector. 

In older technologies, the undesired parasitic circuit, shown schematically in 
Figure 3.15a, was present. The bipolar transistors originate as just described. The 
resistors RI and R2 (also parasitic elements in the sense that they make no contri­
bution to the desired MOS circuit function) originate in the bulk semiconductor 
material of the body and the p-type well. The other two resistors, R3 and R4, play a 
minor role in this scenario. Consider the extracted circuit in Figure 3.15b. If any 
appreciable current flows through RI raising the voltage at node A, the base-emitter 
junction of the bipolar transistor QI will become forward-biased and turn on. This 
will reduce the voltage at node B, which will cause current to flow in R2• This, in 
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(b) JV characteristic of pnp- npn structure 

Figure 3.15 
Latch-up in CMOS circuits. 

turn, will eventually turn on Q2, which acts to pull node A even higher. More cur­
rent will flow in Q1 with the appropriate current gain, and this positive feedback 
action will increase the currents around the loop until breakdown occurs. Clearly, 
low values of resistance are desirable in order to make it more difficult to forward­
bias the junctions. 

Another way to view the behavior of the circuit is to look at the two-terminal 
current-voltage characteristics of this parasitic circuit, also depicted in Figure 3.15b. 
This type of device is referred to as a thyristor or silicon-controlled rectifier (SCR). As 
the voltage across the device increases, the current initially increases slowly. Above 
some critical voltage, Vv both bipolar transistors begin to conduct and the current 
rises sharply from leakage levels to a value limited by resistors R3 and R4, often many 
milliamperes. This phenomenon is known as CMOS latch-up. In a sense, the high 
current state is latched and will not change until the power is turned off or one of 
the devices is permanently damaged. It can occur even at normal operating voltages 
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if voltages applied to input or output pins cause forward-biasing of pn junctions 
within the chip. 

The solution to latch-up problems is to prevent junctions from ever becoming 
forward-biased and to limit externally applied voltages at levels safely below V1. 

Practical solutions to the latch-up problem involve special care in device and circuit 
design to reduce bipolar transistor current gain and reduce the values of R1 and R2• 

The resistance can be reduced by introducing more well contacts to create parallel 
resistors that have a much smaller effective resistance. The extra contacts should be 
placed close to the source terminal of the NMOS and PMOS devices since R1 and 
R2 are shunt resistances across the bipolar base-emitter junctions, which correspond 
to the source-bulk junctions of the MOS transistor. 

Circuits connected to input and output pins are most critical with respect to 
latch-up, especially during the chip-testing process. When power is switched on and 
off, voltages applied to the pins of a chip frequently go outside the normal range 
causing latch-up. Design rules have been defined to keep the wells separated. Another 
approach is to use guard rings. If we surround the NMOS devices with a p+ region 
connected to V55 and surround the PMOS devices with an n+ region connected to 
Vvv, we can effectively isolate the devices to reduce the bipolar transistor gain, and 
also reduce the effective resistance. Recently, the use of STI for isolation and twin-tub 
CMOS in heavily doped substrates have reduced the need for additional guard rings, 
and made latch-up a relatively minor issue in deep submicron design. 

*3.8 Silicon-on-Insulator (SOI) Technology 
A variety of special CMOS processes are under development to allow Moore's Law 
to continue well into the next decade. One of the more promising technologies is 
silicon-on-insulator (SOI), which gained popularity in the mid-1990s at a number 
of leading semiconductor companies. 

Early attempts at SOI involved the use of silicon-on-sapphire (SOS) technology 
in the 1970s. The technology was effective, although costly as its name implies. 
Today, the insulating substrate is created by a high-energy ion-implantation of oxy­
gen atoms well below the surface of a lightly doped silicon wafer. Then the wafer is 
annealed at a high temperature to produce a buried oxide layer. This process is 
referred to as Separation by Implanted Oxygen (SIMOX). Next, the n-wells and 
p-wells are formed in the substrate and separated by the STI process. Finally, the 
NMOS and PMOS devices are formed in the wells. 

The basic structure of the CMOS-SOI technology is shown in Figure 3.16. This 
profile is the same as the standard bulk CMOS process except that a buried oxide 
has been introduced in place of the substrate. The Si02 layer is between 300-400 nm 
thick, while the silicon surface region is 100-200 nm thick. As a result of the insu­
lating layer, all sides of the diffusion region have a greatly reduced capacitance. In 
fact, there is no longer a bottom edge junction capacitance; only a channel-edge 
capacitance remains relative to standard CMOS. The advantage of this structure is 
that the SOI circuits are much faster, dissipate less power, and are not susceptible to 
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Figure 3.16 
Structure of CMOS-SOI technology, 

latch-up. This makes it a promising technology for high-speed and low-power 
design. Furthermore, there is reduced concern about substrate currents or the inter­
action of mixed-signal designs through the substrate. When technology scales below 
65 nm, the doping levels required in bulk CMOS may be too high to be practical. At 
this point, SOI may be an attractive alternative. 

Of course, like all technologies, there are a host of disadvantages or limitations. 
In SOI, the bulk is floating, which leads to a number of issues with the threshold 
voltage. The body-bias shifts around depending on the switching characteristics of 
the MOS device. As a result, the Yr shifts dynamically and this changes the transient 
characteristics of the circuit. The substrate region can be tied to the appropriate 
supply to remove this "history-dependent" feature, but this requires additional area. 
Another issue is related to a kink that exists in the I- V characteristics of the device 
around VDS = VDD/2. The Vr reduces in value and the current increases relative to 
the expected level and this has a noticeable effect on the transient operation. Self­
heating is yet another concern since the devices are encased in oxides in all direc­
tions and it is difficult to transfer the heat generated by the devices. There is also a 
larger effect of DIBL on these types of devices. If these and other issues can be 
resolved, SOI is a strong contender for next generation CMOS technology. 

Two main forms of SOI exist. The first type is the partially depleted (PD) SOI in 
which the depletion regions of the source/drain extend into the body but do not com­
pletely deplete all the charge in that region. In PD-SOI, the same bulk CMOS fabrica­
tion process can be used, with the addition of the SIM OX formation. It can be viewed 
as an evolutionary step. In fully depleted (FD) SOI, a much thinner silicon surface 
region and lower well doping levels are used, and the entire body of the transistor is 
depleted. The thickness of the silicon layer controls the threshold voltage. The devel­
opment of the thinner silicon layer presents a processing challenge. However, this 
technology may be important to limit subthreshold current levels in sub-90 nm 
devices. As a result, many foundries are projecting that they will introduce PD-SOI at 
the 90 nm technology node, and fully depleted (FD) SOI at the 65 nm node. 
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*3.9 SPICE Model Summary 

Table 3.1 
MOS LEVEL 1 parameters for SPICE 

''C" syn1Ho1 Name Parameter units ···oefaUlfE~ample' · 
LEVEL Model Index 

Vro VTO Zero-bias threshold voltage V 0.0 1.0 

k' KP Transconductance parameter AN2 2.0E-5 3.1 E-5 

'Y GAMMA Bulk threshold parameter v112 0.0 0.37 

2l4>FI PHI Surface potential V 0.6 0.65 

A LAMBDA Channel-length modulation v-1 0.0 0.02 

rd RD Drain ohmic resistance n 0.0 1.0 

n 0.0 1.0 

IS Bulkjunction saturation current A 1.0E-14 1.0E-15 

<Pa PB Bulk junction potential V 0.8 0.87 

CGSO Gate-source overlap capacitance F/m 0.0 4.0E-11 
per meter channel width 

CGDO Gate-drain overlap capacitance F/m 0.0 4.0E-11 
per meter channel width 

CGBO Gate-bulk overlap capacitance F/m 0.0 2.0E-10 
per meter channel length 

RSH Drain and source diffusion sheet DI 0.0 10.0 
resistance square 

Cjo CJ Zero-bias bulk junction bottom F/m2 0.0 2.0E-4 
capacitance per square meter 
of junction area 

mj MJ Bulkjunction bottom grading 0.5 0.5 
coefficient 

CJSW Zero-bias bulk junction sidewall F/m 0.0 1.0E-9 
capacitance per meter of 
junction parameter 

mjsw MJSW Bulk junction sidewall grading 0.33 
coefficient 

JS Bulkjunction saturation current A/m2 l .OE-8 
per square meter of junction 
area 

tox TOX Oxide thickness m 1.0E-7 1.0E-7 

NA or N0 NSUB Substrate doping cm·3 0.0 4.0ElS 

(continued) 
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Table 3.1 
(Continued) 

rJftSYrp;l:icjl 'Narne Parameter ·•.··· Urti.ts 'D~fault. Exarnpl~' 

Qs/q 

Table 3.2 

XJ 

LO 

uo 

Surface state density 

Fast surface state density 

Type of gate material: 

+ 1 opposite to substrate 

-1 same as substrate 

0 Al gate 

Metallurgical junction depth 

Lateral diffusion 

Surface mobility 

1.0 

m 0.0 

m o.o 
cm2/V·s 600 

BS1M3v3 model parameters for SPICE 

Name 
LEVEL MOSFET model selector 

BINUNIT 

DWB 

DWG 

LINT 

LL 

Binning unit selector 

Coefficient of the substrate bias' dependence of the 
width offset 

Coefficient of the gate-voltage dependence of the 
width offset 

Channel-length offset for de 1-V characteristics 
without bias 

Coefficient of length dependence for channel-length 
offset in 1-V calculations 

LLN Power exponent of the length dependence in the 

LMAX 

LMIN 

LW 

LWL 

LWN 

MOBMOD 

calculation of the 1-V and C-V channel-length offsets 

Maximum channel length 

Minimum channel length 

Coefficient of width dependence in the calculation of 
the de channel-length offset 

Coefficient of length and width dependence in the 
calculation of the de channel-length offset 

Power exponent of the width dependence in the 
calculation of the 1-V and C-V channel-length offsets 

Mobility model selector 

1.0E-6 

0.8E-6 

700 

Units 

mN112 

mN 

m 

m 

m 

m 

m 

m 

(continued) 
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Table 3.2 
(Continued) 

Namt:! 
NCH 

TNOM 

TOX 

TOXM 

VERSION 

WINT 

WL 

Gerieral,JN, L,TOX:Parameters 

Channel doping concentration 

Device temperature 

Gate-oxide thickness 

Gate-oxide thickness at which the parameter set 
was extracted 

Establishes the version of the BSIM3 model to be 
used in simulation 

Channel-width offset for de 1-V characteristics 

Coefficient of width dependence for channel-width 
offset in 1-V calculation 

WLN Power exponent of the length dependence in the 

WMAX 

WMIN 

WW 

WWL 

VTHO 

WO 

WK1 

AO 

A1 

A2 

AGS 

BO 

B1 

KETA 

LUO 

calculation of the 1-V and C-V channel-width offsets 

Maximum channel width 

Minimum channel width 

Coefficient of width dependence in the calculation of 
the C-V channel width offset 

Coefficient of length and width dependence in the 
calculation of the de channel-width offset 

Threshold voltage of long-channel device at zero 

VBS 

Channel-width offset to calculate narrow width's 
effect on the threshold voltage 

Width sensitivity 

M()b.ility i>arametiars 

Bulk charge effect coefficient for channel length 

First nonsaturation factor 

Second nonsaturation factor 

Gate-bias coefficient of the body-charge coefficient, 

Abulk 

Channel-width coefficient for the calculation of the 
body-charge coefficient,Abulk 

Channel-width offset for the calculation of the body­
charge coefficient, Abulk 

Body-bias coefficient of the bulk charge coefficient 

Length sensitivity 

m 

m 

m 

m 

m 

m 

m 

m 

V 

m 

Units 

v-1 
v-1 
v-1 

m 

M 

v-1 
µ,mN 

(continued) 
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Table 3.2 
(Continued) 

LUA Binning parameter for UA 

LUB 

LUC 

LVSAT 

PRWB 

PRWG 

PUO 

PUB 

RDSW 

uo 

UO sensitivity to effective channel length 

Binning parameter for UC 

Binning parameter for VSAT 

Body-effect coefficient of RDSW 

Gate-bias effect coefficient of RDSW 

Binning parameter for UO 

Binning parameter for UB 

Parasitic drain/source resistance per unit width 

Zero-field mobility at TNOM 

First-order mobility degradation coefficient 

Second-order mobility degradation coefficient 

Body-effect of mobility degradation coefficient 

Carrier saturation velocity at TNOM 

WAO Binning parameter for AO 

WR Exponent of the effective device width for the 
calculation of RDSW 

wuo Width sensitivity 

WUA Binning parameter for UA 

cm2µm/(Vsec) 

v-112 

v-1 

fl-µm 

cm2N-sec 

MN 

m2N2 

v-1 

mis 

µmN 

Subt.hres~<>l~1~lll;tstrct~e,OIBLParameters Units 

CDSC 

CDSCB 

CDSCD 

CIT 

DSUB 

Drain/Source to channel coupling capacitance 

Body-bias sensitivity of CDSC 

Drain-bias sensitivity of CDSC 

Interface state capacitance 

L.ff-dependence exponent of the DIBL effects on 
the threshold voltage 

ETAO Sub-threshold region drain-induced barrier-lowering 
(DIBL) coefficient for Vth 

ETAB Bulk-bias coefficient of the DIBL effects 

LNFACTOR Binning parameter for NFACTOR 

NFACTOR Subthreshold turn-on swing factor 

Binning parameter for ETAO 

Offset voltage in sub-threshold region 

First parameter of impact ionization current 

F/m2 

F/m2-V 

F/m2-V 

F/m2 

v-·1 

V 

mN 

(continued) 
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Table 3.2 
(Continued) 

ALPHAl 

BETAO 

DELTA 

DROUT 

PCLM 

PDIBLCl 

PDIBLC2 

PDIBLCB 

PSCBEl 

PSCBE2 

PVAG 

Name 

AT 

KTl 

KTlL 

KT2 

PKT1 

PRT 

Subthre~hOld,Subsfrate1DISL.Parameters 

Substrate current parameter 

The second parameter of the substrate current due 
to impact ionization 

Effective V05 smoothing parameter 

Leff dependence exponent in the DIBL correction on 
the Early voltage 

Channel-length modulation parameter for Id 

First coefficient of DIBL's correction on the Early 
voltage 

Second coefficient of DIBL's correction on the Early 
voltage 

Body-effect coefficient to the DIBL's correction on 
the Early voltage 

Substrate current induced body effect exponent 1 

Substrate current induced body effect exponent 2 

Gate-bias dependence of Early voltage 

Temperature·Parameters 

Temperature coefficient for saturation velocity 

Temperature coefficient for V1h 

Channel-length coefficient of the threshold voltage's 
temperature dependence 

Body bias coefficient of V1h temperature effect 

Binning parameter for KTl 

Temperature coefficient of RDSW 

PUA 1 Binning parameter for UA 1 

UA1 

UBl 

UC1 

UTE 

WUA1 

Name 

CAPMOD 

CF 

Temperature coefficient for UA 

Temperature coefficient for UB 

Temperature coefficient for UC 

Temperature coefficient for the zero-field universal 
mobility UO 

Binning parameter for UA 1 

CapadtattcE:! Parameters 

Capacitance model selector 

Fringing-field capacitance per side 

v-1 
v-1 

V 

Vim 

mN 

Units 

m/sec 

V 

Vm 

Vm 

F/m 

(continued) 

ONSEMI EXHIBIT 1038, Page 157



Table 3.2 
(Continued) 

Name 

CGDO 

CGSO 

CJ 

CJSWG 

CJSW 

CTA 

CTP 

DLC 

ELM 

JS 

JSW 

MJ 

MJSWG 

MJSW 

NQSMOD 

PB 

PTP 

PTA 

TLEVC 

XPART 

XTI 
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<:apa(itance Parameters 

Voltage-independent gate-drain overlap 
capacitance per unit gate width 

Voltage-independent gate-source overlap 
capacitance per unit gate width 

Source/Drain bottom junction capacitance 

Zero-bias gate-edge sidewall bulk junction 
capacitance 

Source/drain sidewall junction capacitance per unit 
length at the isolation sidewall, when the device 
temperature is equal to TNOM 

Junction capacitance CJ temperature coefficient 

Junction sidewall capacitance CJSW temperature 
coefficient 

Effective channel-length offset for capacitance 
calculations 

Elmore constant of the channel, used in BS1M3's 
non-quasi-static (NQS) model 

Source-bulk and drain-bulk junction saturation 
current per unit area when the device temperature 

(Tdevicel is equal to TNOM 

Sidewall bulk junction saturation current 

Grading coefficient of the bottom-wall junction 
capacitance 

Grading coefficient of the gate-edge sidewall 
junction capacitance 

Grading coefficient of the isolation-side sidewall 
junction capacitance 

A flag for the non-quasi-static model 

Built-in potential of the bottom-wall junction 
capacitance 

Junction potential PHP temperature coefficient 

Junction potential PB temperature coefficient 

Temperature equation level selector for junction 
capacitances and potentials 

Charge partition flag 

Junction saturation current densities' temperature 
exponent 

F/m 

F/m 

F/m2 

F/m 

F/m 

1/°K 

1/°K 

m 

A/m2 

A/m 

V 

V/°K 

V/°K 
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PROBLEMS 
For the SPICE problems below, use either 0.18 µ,m or 0.13 µ,m process technology 
with BSIM3 model library files, depending on what is available at your site. For con­
venience, we use L 200 nm for a 0.18 µ,m technology and L = 100 nm for a 
0.13 µ,m process. 

P3.1. Figure P3.1 shows a setup used to perform parameter extraction of 
a LEVEL 1 model on a long-channel NMOS transistor at room tem­
perature. 

Vos 

Figure P3.1 
Experimental setup to measure 1-V characteristics of an NMOS transistor. 

From this setup, the current is measured for a number of different oper­
ating conditions as listed in Table P3.1. 
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Table P3.1 
1-V characteristics for a long-channel NMOS transistor 

VGs[V] Vo5.[V] VsslV] lo [µ~] 

1.2 1.2 

0.8 1.2 

0.8 0.8 

1.2 1.2 

0 

0 

0 

0.4 

1000 

280 

276 

741 

Using the data in Table P3.l, along with W/L 4.75, t
0
x 22 A and 

21¢FI = 0.88 V find: 

(a) the threshold voltage, Vro 

(b) the channel modulation parameter, ,.\ 

(c) the electron mobility, µn 

( d) the body effect coefficient gamma, 'Y 

P3.2. Consider the long-channel MOS device shown in Figure P3.2. At t = 0, 
the drain and source are at an initial voltage of 3.3 V. At t o+, the cur­
rent source turns on with a value of 10 µA. On the graph, sketch the 
voltage at the source and drain nodes as a function of time until a 
steady-state behavior is reached. Estimate the voltages for the end points 
of every region of operation on the graph. Also, calculate the slope in 
every region. The key to this problem is to include the proper capaci­
tances in each region of operation. 

For this problem, assume that k' µnCox 180 µA/V2
, Vro 

0.6 V, Vr = l.l V (Assume this is the correct threshold voltage when Vss 
is not O V), and W 1.5 µ,m, L 1 µm (so the quadratic model can be 
used here). Use t0x 100 A to compute the gate capacitances. Assume 
C5s = CDB = 15 fF are fixed junction capacitances. 

+ 
3.3 V 

Figure P3.2 

G 

D 

s 

3.3 V 

B 

10 µA 
0 
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Check your results in SPICE. You will need to initialize the source 
and drain nodes to 3.3 V, and use a Level 1 MOS model to obtain the 
results. 

P3.3. Figure P3.3 shows a circuit used to measure Vrn. First describe why gate 
and drain are connected together for the purposes of this measurement. 
Then using SPICE simulation, estimate Vy0 for a transistor with L = 
100 nm, W = 400 nm. You do not need to specify the capacitance infor­
mation for this measurement. Why? Where should the bulk terminal be 
connected? Why? 

+ 

Figure P3.3 

P3.4. Figure P3.4 shows a circuit that can be used to investigate the degree of 
channel-length modulation in short-channel transistors. Using SPICE 
simulation, determine whether a transistor with L = 100 nm, W = 
400 nm exhibits channel-length modulation. What is the range of volt­
age that should be applied to drain for the purposes of this measure­
ment? Estimate the value of,\ from the results of simulation. 

IV 

~ 

Figure P3.4 

P3.5. Figure P3.5 shows a circuit used to measure the effective value of the 
body effect factor ( -y), by measuring Vy at different source voltages. 

Assuming that PHI= 0.88 V, use SPICE and a 0.13 µ.,m technology 
library model to find VTO and the effective value of GAMMA for a 
transistor with L = 100 nm W = 400 nm to be used in the simplified 
threshold voltage equation: 

Vy = VTO + GAMMA(VPHI - V35 \/PHI) 
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+ 
V VI 

Figure P3.5 

P3.6. Using SPICE simulation find the value of 'Y for a transistor with 
L = 100 nm and W = 400 nm. Use the circuit shown in Figure P3.6 to 
measure the body effect. What is the range of the voltage that can be 
applied to bulk (VB)? Compute the current Uns) with VB= -IV and 
VB= 0 V when Ve= 1.2 V. What is the effect on current as Vy increases? 

+ fvs 

V V0 

Figure P3.6 

P3.7. Using SPICE and a 0.18 µ,m model, plot the subthreshold current ver­
sus VBs, and saturation current versus VBs for an NMOS device with 
W = 400 nm and L = 200 nm. Specify the range for VBs as Oto -2.0 V. 
Explain the results. 

P3.8. Determine which of the following p-channel transistors have the high­
est and lowest magnitude of threshold voltage and describe why. Assume 
a 0.13 µ,m technology. 

• A transistor with: L = 0.1 µ,m, W = 0.8 µ,m, VsB = 0.0 V, Vns = -1.2 V 

• A transistor with: L = 0.1 µ,m, W = 0.4 µ,m, V5B = -0.5 V, Vns = -1 V 

• A transistor with: L = 0.1 µ,m, W = 0.1 µ,m, V5B = -0.5 V, Vns = -1 V 

• A transistor with: L = 0.2 µ,m, W = 0.4 µ,m, VsB = 0.0 V, Vns = -1.2 V 

• A transistor with: L = 0.2 µ,m, W = 0.8 µ,m, VsB = 0.0 V, Vns = -1.2 V 

• A transistor with: L = 0.2 µ,m, W = 0.1 µ,m, VsB = -0.5 V, Vns= -1 V 
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P3.9. Using SPICE simulation, plot log IDS versus Vcs while varying VDs for 
an NMOS device with L 100 nm, W 400 nm and PMOS with 
L = 100 nm, W = 1.0 f.Lm. Which device exhibits more DIEL? Why do 
PMOS transistors typically have a higher VT than NMOS transistors? 

P3.10. This problem concerns the use of SPICE to examine effect of tempera­
ture on the I0 n and I0 ff characteristics of NMOS and PMOS transistors 
in 0.13 fJ,m technology, which use a 1.2 V power supply. The device sizes 
are W11 0.8 fJ,m, L 11 0.1 fJ,m, WP 1.6 f.Lm, LP 0.1 f.Lm. Plot the 
following: 

(a) Subthreshold region current for Vcs from Oto 0.4 V for tempera­
tures T = -60, 25, and 125°C. 

(b) Above threshold region current for Vcs from 0.4 to 1.2 V for tem­
peratures T = -60, 25, and 125°C. 

(c) Explain the relationship between current and temperature for the 
two regions, above threshold and subthreshold, and explain the 
trends using equations involving temperature. 

P3.11. What issues prompted the switch from Al to Cu? Why are low-k 
dielectrics being developed for deep submicron processes? What is the 
target value for k in future technologies? Why are high-k dielectrics 
being developed? 

P3.12. What is the difference between a self-aligned poly gate and self-aligned 
silicide? 

P3.13. Compute the length of an aluminum wire and a copper wire that has a 
resistance of 100 n. You can assume that the wire thickness is 0.8 f.Lm 
and the wire width is 1 f.Lm in both cases. 

P3.14. Assume that two metal conductors with thickness 1 f.Lm and length 
100 f.Lm are spaced apart by a distance S by silicon dioxide. Assuming 
that the k for Si02 is roughly 4, plot the capacitance as S is increased 
from 0.5 f.Lill to 5 f.Lm. On the same graph, plot the capacitance for a 
material with a k = 2. Explain both results. 
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5.1 Introduction 
This chapter addresses the design of combinational and sequential CMOS static 
logic gates. The material is built upon the foundations established in Chapter 4. In 
this chapter, we will continue to view the transistor as a logic switch with series 
resistance. For a unit-sized NMOS device, the series resistance is approximately 
12.5 k!1, whereas a unit-sized PMOS device is approximately 30 k!l. These large­
signal resistance values represent the average on-resistances when switching from 
high to low or low to high. Using the concepts of switch-based logic design, we can 
construct combinational logic gates such as NANDs, NORs, XORs, and multiplex­
ers. We will examine the operation of these gates in detail and then study the volt­
age transfer characteristics (VTC), transistor sizing, first-order timing characteris­
tics, and power. Extensions of switch-based networks can be used to implement 

CHAPTER 

195 
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complex logic functions in a single CMOS stage through the application of the 
duality principle and DeMorgan's Laws. 

Sequential logic elements have the ability to store information. The outputs of 
a sequential block are functions of both input and output values. As such, they are 
characterized by positive feedback loops between the outputs and inputs. In this 
chapter, the definitions and distinctions between two types of sequential elements, 
flip-flops and latches, are reviewed. Sequential circuits are constructed using con­
ventional CMOS or pseudo-NMOS logic. In later chapters, we use clever techniques 
to reduce the number of transistors needed to implement these functions. The basic 
operation, limitations, and timing constraints for a variety of sequential elements 
are examined, including SR latches, JK flip-flops, D flip-flops, and D latches. We also 
describe certain timing constraints, the so-called set-up and hold times, for D-type 
flip-flops and latches. 

Power and timing are the two main design specifications for digital integrated 
circuits. In this chapter, we explore the relationships between these two factors. We 
seek to minimize power and reduce delay as much as possible, but usually one is 
traded off against the other. Circuit activity is a key factor in the total power dissi­
pation. Reducing the activity of a chip is the best way of reducing dynamic ( or 
switching) power in CMOS circuits. This can be accomplished most effectively by 
choosing logic architectures that exhibit low activity. In addition, the arrival times 
of signals at gate inputs should be made equal to minimize glitches that unneces­
sarily contribute to power consumption. Further, the rise and fall times of all signals 
should be equalized, wherever possible, to limit power due to short-circuit current 
flow during switching. Power consumption of most circuits can also be decreased 
by reducing the operating voltage. This is the main reason why the supply voltage is 
reduced in each technology generation. 1 However, the threshold voltage has not 
been scaling as rapidly in order to control subthreshold leakage. When many mil­
lions of transistors are sitting idle but leaking current, it contributes significantly to 
the static (or standby) power consumption. 

Since power and timing are usually traded off when designing circuits, a met­
ric is needed to establish the goodness of a design relative to these two factors. To 
improve a design, we should try to reduce both power and delay. Therefore, a use­
ful metric can be devised by multiplying the power by the delay to obtain a power­
delay product, which is a measure of the energy needed to perform a given logic 
operation. This metric is most valuable when comparing single gate configurations 
that use the same supply voltage and drive the same load. However, it suffers from 
some limitations if used to compare the power of two different designs that perform 
the same function. A more effective metric when comparing two designs is the 
energy-delay product. This metric is obtained by multiplying the energy (i.e., 
power-delay product) by delay. 

1 Roughly speaking, the power supply voltage (in volts) is 10 times the technology generation (given in 
microns). For example, a 3.3 V supply is used in a 0.35 µ.m technology, a 1.8 V supply in a 0.18 µ.m technol­
ogy, and a 1.2 V supply in a 0.13 µ.m technology. 
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In this chapter, basic static NAND and NOR gate circuits are described in Sec­
tion 5.2 with emphasis on gate sizing, voltage transfer characteristics, and fanin/ 
fanout considerations. Section 5.3 illustrates how complex functions can be imple­
mented in a single CMOS stage using duality and DeMorgan's Law. The other use­
ful logic functions such as XOR, XNOR, and multiplexers are described in Sections 
5.4 and 5.5, respectively. Basic sequential circuit elements are explored in Sections 
5.6 and 5.7. To conclude the chapter, we examine the important components of 
power dissipation in Section 5.8, and power-delay tradeoffs in Section 5.9. 

5.2 CMOS Gate Circuits 
To build NOR and NAND gates in CMOS is rather straightforward. We use the 
switch-level concepts that two NMOS transistors in series perform a logical AND 
function and two NMOS transistors in parallel perform a logical OR function. Sim­
ilarly, two PMOS transistors in parallel perform an AND function and two PMOS 
transistors in series perform an OR function. The resulting circuits for the 2-input 
NOR and 2-input NAND gates are illustrated in Figure 5.1. For the 2-input NOR 
gate of Figure 5. la, the output is pulled low if either A or B is high. This requires 
two pull-down devices in parallel. However, both inputs must be low to produce a 
high output. This requires two series p-channel devices connected from the output 
to VDD· All NMOS devices have their bulk terminals connected to Gnd, while the 
PMOS devices have their bulk nodes connected to V00• 

For the 2-input NAND gate of Figure 5.1 b, the output is low only if both A and 
B are high. This implies two series-connected n-channel devices from the output to 
ground. On the other hand, if either input is low, then the output will go high. This 
can be implemented with two parallel p-channel devices connected from VDD to the 
output. The extension to multiple input gates follows along the same lines. Specifi­
cally, for a multiple fanin NOR gate, we would have many parallel NMOS devices 

A 

B 

(a) 2-input NOR gate 

Figure 5.1 
CMOS NOR and NANO gates. 

F=A+B 

= 

F=AB 

A 

B 

= 
(b) 2-input NANO gate 
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Exercise 5.1 

and a stack of series-connected PMOS devices. For the NAND gate with multiple 
inputs, we would have a stack of NMOS devices connected to the output, and an 
equal number of parallel PMOS devices connected to the output. 

Draw 3-input and 4-input NOR and NAND gates. We often refer to these gates with 
names such as NAND3, NOR3, NAND4, and NOR4 for convenience. Explain how they 
each work. Do you see any problems arising as you increase the number of fanins 
(inputs) to 1 O? 

5.2.1 Basic CMOS Gate Sizing 

Now consider transistor sizing of CMOS logic gates, specifically NANDs and NO Rs. 
As mentioned before, transistor sizing is the process of specifying the widths of the 
transistors in the logic gates. 2 When we studied the inverter in the previous chapter, 
it was clear that device sizes control the rise and fall propagation delays in static 
CMOS. This is the primary reason why we specify the sizes of the transistors. To 
obtain approximately equal rise/fall delays, we found that the PMOS device must be 
roughly twice the size of the NMOS device. This is because its on-resistance for 
PMOS is roughly double that of the NMOS device. 3 For the time being, we will use 
the 2:1 ratio. Later, we will elaborate on the best ratio for the pull-up and pull-down 
transistors. 

Given the 2: 1 device sizes for the inverter of Figure 5.2a, we can now determine 
the transistor sizes in multifanin gates. Assume for the moment that all gates drive 
a single load capacitance, CL and that we want to obtain the same delay as the 
inverter for the rise/fall cases. First, consider the NAND gate in Figure 5.2b. There 
are two parallel PMOS devices and two series NMOS devices. Sizing the four tran­
sistors is based on achieving the same delay as the inverter when driving the same 
load capacitance under worst-case input combinations. Since the two PMOS 
devices are in parallel, we assume that only one is on and the other is off during the 
pull-up phase. If we assume that both pull-ups are on, then this is the best-case sit­
uation. In design, we always consider the worst case wherever possible to ensure that 
our circuit works under all conditions. For this reason, each pull-up should be sized 
to be equal to the inverter pull-up, meaning that both pull-ups will be 2 W 

Next consider the two pull-down transistors that are in series for the NAND 
gate. Since both transistors must be on to pull the output low, we will see roughly 
twice the resistance if they are sized exactly the same as the inverter. Instead, we 
want to cut the resistance in half and so we double the widths.4 This requires a size 

2 We assume that all devices have a minimum length, L, and so the width, W, is the only unknown. 
3 More precisely, the ratio of the PMOS resistance to NMOS resistance is 30 kD/12.5 kD = 2.4. To obtain equal 
delays we should size the PMOS device to be 2.4X larger than the NMOS device. However, we will find that 
there are a number of factors that make a 2: 1 ratio a better choice. In fact, this 2: 1 ratio was also the preferred 
ratio in the past due to mobility considerations. 
4 Recall that resistance is inversely proportional to the width. 
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A 

B 

F 

A 

B 

(a) (b) (c) 

Figure 5.2 
Device sizes for CMOS (a) inverte r, (b) NANO, and (c) NOR gates. 

of 2 W for both pull-down devices. 5 As a result, all four devices in the NAND gate 
are 2 W devices. 

Similar considerations apply to the NOR gate of Figure 5.2c. Here the PMOS 
devices are in series and the NMOS devices are in parallel. Using the same argu­
ments, both NM OS devices should be set to W to match the pull-down delay of the 
inverter in the worst case. The PMOS devices need to be doubled relative to the inverter 
case since they are in series. This leads to two 4 W devices in series for the pull-up 
case to effectively cut the resistance in half for each device. 

The same approach woJld be used to size multi-input pseudo-NMOS gates. 
The pseudo-NMOS inverter was covered in Chapter 4 and is shown again in Figure 
5.3a. The size of the pull-up device is set to WP and the pull-down device to Wn. The 
ratio of W,JWP depends primarily on the desired V0 L' For pseudo-NMOS gates, 
only the NMOS devices need to be sized since there is one PMOS pull-up and its 
size would remain the same as in the pseudo-NMOS inverter6 of Figure 5.3a. 

Consider sizing 3-input pseudo-NMOS NAND and NOR gates. For the NAND 
gate of Figure 5.3b, we would use devices with size 3 W

11
; that is, use devices that are 

three times larger than its inverter counterpart. The reason is that there are three 
resistors in series and we must increase the size of the transistors by three to reduce 
the effective resistance of the pull-down path to that of the inverter. For the NOR 
gate of Figure 5.3c, the pull-down devices would all be the same size as the pseudo­
NMOS inverter case since they are in parallel. Again, the worst-case condition has 
only one transistor pulling down, not all three. Therefore, the size must be set with 
this in mind. 

The sizing of the NAND gate of Figure 5.3b can be understood from two other 
perspectives. First, it can be viewed from a layout perspective, as shown in Figure 5.4. 

5 This is true for long channel devices. More accurate device sizes would include velocity saturation effects but 
they are not considered until Chapter 6. 
6 There is an assumption here that the only capacitance is a single output loading CL. 

F 
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Vvv Vvv 

_ri ~ F r-9 
F A--j ICL 

A~ w" 
ICL 

B~ 

c--j 

- -

(a) (b) 

Figure 5.3 
Device sizing for pseudo-NMOS (a) inverter, (b) NAND, and (c) NOR gates. 

Actual layout 

Figure 5.4 
Layout and equivalent size of 3X device. 

Equivalent device ,; 

Vvv 

F 

ICL 

-

(c) 

F 

3LII 

The layout of the NMOS series stack is given on the left, with three inputs, A, B, and 
C, on the poly layer. One diffusion region is defined with a width of 3 Wn, and three 
transistors with length L

11 
are created. The output F is identified at the top of the 

stack. When the inputs are connected together, the three devices in series can be 
merged to produce one "super" device with a size of 3 W,,13L

11
• This produces an 

effective size of W,,IL,1, which is equivalent to the size for the pseudo-NMOS pull­
down of the inverter. Note that the sizing achieves the same delay characteristics as 
the inverter but also produces the same V0 i- In other words, we size pseudo-NMOS 
gates for both V0 L and timing when we choose the W/L ratios for the individual 
devices. 

Another way to view the sizing of series stacks is to recall that the transistor on­
resistance is inversely proportional to W. Larger values of W decrease the series 
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resistance of the transistor. What if we had three different W values in the series 
stack? When determining an equivalent Weq' one can use the fact that the W values 
would combine as if we had parallel resistance.7 For example, if we have three tran­
sistors in series with widths W" W2, and W3, we would combine them together to 
form an equivalent device with a width 

W1W2 W3 
( series stack, all devices on) (5.1) 

This value can be used to determine on-resistance of the combined devices. For the 
case when all W's are equal to 3 W", this reduces to Wn, as expected. 

In the case of a NOR gate, if all parallel pull-down devices are on simultane­
ously, the W values would combine as if we had series resistance to produce the 
equivalent value, weq: 

(parallel devices, all devices on) (5.2) 

Of course, we design the NOR gate assuming that only one pull-down device is on 
at a time, since this is the worst case. 

3-lnput NAND and NOR Gate Sizing 

Problem: 

Determine the device sizes for 3-input NAND and NOR gates in conventional 
CMOS. Assume that the basic inverter is sized according to Figure 5.2a and that the 
goal of the design is to have NAND3 and NOR3 gates with the same delay charac-
teristics as the inverter. "' 

Solution: 

Applying the considerations given in the above section, we derive the following 
sizes for the NAND3 and NOR3, respectively. 

~ 2W ~ ~ A4 

A~ s4 
s-j c---1 

F 

c~ ~ 

7 Here we make use of the inverse relationship between Rand W. The series stack produces series resistance, 
not parallel resistance! 

Example 5.1 
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ExerdseS.2 Determine the device sizes for NAND4 and NOR4 gates (i.e., 4-input versions of 
each type of gate). When you draw the two circuits, notice how high the series 
stacks are getting.We usually do not see 5-input gates because of the height of the 
series stacks and the corresponding resistances and layout areas. 

5.2.2 Fanin and Fanout Considerations 

When designing standard CMOS logi gates, it should be noted that there is a ig­
nificant penalty for gate with a large number of inputs, so-called high fan.in gates. 
Thi i due to the resi tance of series sta ks. Beyond 3 or 4 inputs, the resistance will 
be too high or the area will be too large. Con ider the case of an 8-input AND gate. 
What is the be t way to implement uch a gate? It i certainly not as a single NAND 
with eight inputs followed by an inverter. The eight s ries MO devices would 
have to be very large to lower the resistance, s shown in Figure 5.5. However, the 
delay would till be unacceptable since the erie tack would behave as an RC lad­
der circuit, due to the resi tance and elf-capacitance8 of each tran istor. 

4 4 4 4 4 4 4 

~ 

~ 

----1 

----1 w 

----1 w 

----1 

----1 

--1 
-

Figure 5.5 
Bght-input AND gate. 

8 elf-capacir.an e effects would introduce a pacitor at each internal node of the series stack. These i ~ will 
be d ribed in Cbapler 6. 
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Figure 5.6 
Schematic rendition of DeMorgan's Law. 

One alternative is to use DeMorgan's Laws and a pseudo-NMOS NOR gate to 
replace the AND gate. DeMorgan's Laws, in the most basic form, can be stated as 

(a+ b) a· b 

(~)=a+,; 

Graphically, we can represent the two equations as shown in Figure 5.6. 

(5.3) 

The application of DeMorgan's Law for the AND8 is shown in Figure 5.7a. Here 
the inputs to the AND gate are all inverted. We will need additional inverters at each 
input but they are not shown. The AND gate is converted to an 8-input NOR. The 
pseudo-NMOS implementation is shown in Figure 5.7b. This gate dissipates more 
power than the static implementation and exhibits a larger tPLH· But the area is 
greatly reduced relative to the 8-input CMOS NAND because we only have one 
pull-up device, the pull-downs are much smaller, and the tPHL is significantly lower. 

1' 

(a) 

w,, 

{b) 

Figure 5.7 
Using DeMorgan's Law to convert AND to NOR. 

203 
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Exercise 5.3 

(a) NAND4-INV-NAND2-INV 

(b) NAND2-NOR2-NAND2-INV 

Figure 5.8 
Multilevel logic implemenra ion of an AND8 function. 

We would only use this in a few places where a high fanin gate is required becau e 
of its drawbacks. 

Another option i to construct a multilevel logic circuit to implement the AND 
function rather than u ing a single gate. For exampl , one po ible circuit i the 
NAND4-INV-NAND2-1NV structure as shown in Figure 5.8a. This is learly more 
effective than a ANDS-INV implementation and can also be de igned to ave a 
shorter delay. 

Many other alternative exi t along the same line . In Figure 5.8b, a AND2-
NOR2-NAND2-INV cascade is illustrated. The be t de ign £ r a given appli ation 
will be dependent on timing, power, and area requirements. 

Suggest two other multilevel implementations of an ANDS circuit. 

The fanout of a logic gate refer to the number of identical logic gate driven y it. 
Thi is illustrated in Figur 5.9. For example, an inverter driving four identical 
inverter i called a fanout-of-four (F04) inverter. The fanout ratio i obtained by 
taking the total capacitance driven by the gate and dividing it by the input capaci­
tance of the gate. When cell libraries are designed, the size of the device must be 
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I. 

l 

Figure 5.9 
An inverter driving four identical fanouts. 

specified without knowing the actual load being driven. Typically, gates are designed 
to drive a specific number of fanouts to deliver a specific target delay. In fact, dif­
ferent cells are designed to drive a different number of loads. Ultimately, the choice 
of the width, W, is based on,this fanout ratio, as will be seen in Chapter 6. 

# 

5.2.3 Voltage Transfer Characteristics (VT() of CMOS Gates 

The VTC of CMOS gates are very similar to that of the CMOS inverter. Since there 
are multiple inputs, the actual characteristics depend on how the inputs are 
switched. For the 2-input NAND gate, shown in Figure 5.10, we first consider the 
case when one input is held high while the other is switched from low to high. In 
this case, one p-channel device can be removed from consideration (open circuit) 
while one n-channel device can be handled as a short-circuit since it behaves like a 
small resistor. If input A is held high while input B is switched from low to high, the 
gate is equivalent to an inverter with a 2Wpull-up device and a 2Wpull-down 
device. The resulting transfer characteristic would shift to the left of the standard 
inverter. If both inputs were switched together, we would have a 4 W pull-up device 
and a W pull-down device, so the VTC would shift to the right of the standard 
inverter. These two curves are shown in Figure 5.10 relative to the standard inverter. 

For the 2-input NOR gate, shown again in Figure 5.11, we would obtain simi­
lar results. Assume that input B = 0, while the A input is switched from low to high. 
In this case, one n-channel device can be removed from consideration ( open cir­
cuit) while one p-channel device can be treated as a short-circuit. This implies that 
we have an equivalent inverter with a 4 W pull-up device and a W pull-down device. 
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A--t--~--i 

8 - ~----< 

Figure 5.10 
VTC for NAN02 gate. 

A - -.--- ---a 

8 --+-....----0 

Figure 5.11 
VTC for NOR gate. 

Inverter 

Both inputs 
tied 

One input 
only 

Therefore, the V houJd shift to the right fa standard lX inverter VTC. A second 
case exit when both input are connected together and witched from low to high. 
We have effectively a 2 W pull-up and a 2 W pull-down, which wouJd pro uce a 
switching threshold, V5, that is hifted to the left of the standard inverter. hese 
result are illustrated in Figure 5.11. 

Similar considerations would apply to multiple input NAND and NOR gates. 
Each individual input, if applied separately produces a slightly different VTC (but 
not significantly different). In any case, th ingle-input switching case i u ually 
taken a the VTC of the gate. From inspection of Figure 5.10 and 5.11, the NOR 
gate bas a higher switching thr hold than the NANO gate, and therefore NML is 
higher and NMH is lower for the NOR gate as compared to the NAND gate. 
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; !'. 2 r 'f§T 

SPICE Example of VTC for NAND Gate in 0.18 µm Technology 

Problem: 

(a) Compute the switching threshold, V5, of a 2-input NANO gate shown in 
Figure 5.10 under two conditions: with one input tied to V00 while the 
other input is swept from Oto V DD and a second case where both inputs are 
tied together. Assume 0.18 µ,rn technology parameters with all transistor 
widths set to 400 nm. 

(b) Using SPICE, compare the VTC curves of a 2-input NANO for the two cases 
above and compare the switching threshold results. Also include the two 
inputs, A and B, switching separately. Why are the results slightly different 
for each input? 

Solution: 

(a) When one input is high and the other is varied from Oto V0D, it is equiva­
lent to having a pull-up with Wp = 400 nm and a pull-down of W N = 400 
nm (treat the other one as a very small resistor): 

WN = 400 nm, Wp = 400 nm: 

1.8 - 0.5 + (0.5 )2.0 
V5 = = 0.77 V 

1 + 2.0 
y 

When both inputs are varied from Oto VDD,it is equivalent to having a pull-up with 
Wp = 800 nm and a pull-down of 200 nrn: 

Wp = 800 nrn, Wp = 200 nm: 

1.8 - 0.5 + (0.5)1.0 
V5 = = 0.9 V 

1 + 1.0 

(b) To compare the results against SPICE, use the following descriptions: 

*NAND Gate with one input B tied to Vdd, input A switching 
*Set supply and library 
.param Supply=l.8 *for 0.18 technology 
.lib 'bsim3v3.cmospl8.lib' 
.opt scale=O.lu 
*Power supply 
.global Vdd 

*Set lambda 

ExampleS.2 

Vdd Vdd 
Gnd 
Gnd 'Supply' *Supply i s set by . lib call 
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*Top leve simulation netlist 
mpa out A Vdd Vdd PMOSl 1=2 w=4 ad=20 pd=4 
mpb out Vdd Vdd Vdd PMOS1 1=2 w=4 ad=20 pd=4 
mna out A X Gnd NMOSl 1=2 w=4 ad=20 pd=4 
mnb X Vdd Gnd Gnd NMOSl 1=2 w=4 ad=20 pd=4 
Vin A Gnd 'Supply' 
* Simulation 
.de Vin 0 'Supply' 'Supply/ SO' 
.plot de V(out) 
.end 

*NAND Gate wi th input A tied to Vdd, input B switching 
*Set supply and l 'brary 
.param Supply=l .8 *for 0.18 technology 
.lib 'bsim3v3 .crnosp18 .lib ' 
.opt scale=O . lu *Set lambda 
*Power suppl y 
.global Vdd Gnd 

as=20 
as=20 
as=20 
as=20 

Vdd Vdd Gnd 'Supply' Supply is set by . lib call 
*Top level simulation netlist 
mpa out Vdd Vdd Vdd PMOS1 1=2 w=4 
mpb out B Vdd Vdd PMOSl 1=2 w=4 
mna out Vdd X Gnd NMOS1 1=2 w=4 
mnb X B Gnd Gnd NMOS1 1=2 w=4 
Vin B Gnd 'Supply' 
*S imulation 
.de Vin 0 'Supply' 'Supply/SO' 
.plot de V(out) 
.end 

*NAND Gate with both inputs tied together 
*Set supply and library 
.pararn Supply=l . 8 *for 0.18 echnology 
. lib 'bsim3v3.cmosp18 . lib' 
.opt scale=O.lu "Set lambda 
*Power supply 
.global Vdd Gnd 

ad=20 
ad=20 
ad=20 
ad=20 

Vdd Vdd Gnd ' Supply'*Supply is set by 
*Top level simulation netlist 
mpa out in Vdd Vdd PMOS1 1=2 w=4 ad=20 
mpb out in Vdd Vdd PMOS1 1=2 w=4 ad=20 
rnna out in X Gnd NMOSl 1=2 w=4 ad=20 
mnb X in Gnd Gnd NMOSl 1=2 w=4 ad=20 

pd=4 as=20 
pd=4 as =20 
pd=4 as=20 
pd=4 as=20 

. lib call 

pd=4 as=20 
pd=4 as=2 0 
pd=4 as=20 
pd=4 as=20 

ps=4 
ps=4 
ps=4 
ps=4 

:;:>S =4 
:;:>s=4 
ps =4 
ps =4 

ps=4 
ps=4 
ps=4 
ps=4 
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Vin in 
*Simulation 
.de Vin 
.plot de 
.end 

Gnd 'Supply' 

0 'Supply' 
V(out) 

The following results are produced by SPICE: 

1.8 

1.6 

1.4 

1.2 
\ AB 

~ 
B A 

\ 
::,..g 0.8 

I 0.6 

0.4 \ 
0.2 \ 

0 '· 
0 0.2 0.4 0.6 0.8 

Vin (V) 
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'Supply/50' 

1.2 1.4 1.6 1.8 

As expected, the curve with both inputs tied is to the right of the curve for single 
inputs. From SPICE, V5 = 0.745 V for input A switching, V5 = 0.721 V for input B 
switching, and V5 = 0.883 V for the case where the two inputs are tied together. 
These are close to the han<ll calculated values. The hand calculations tend to pro­
duce slightly higher values due to the approximations made to simplify the expres­
sion for V5• The reason why input A produces a slightly higher value of V5 is that the 
corresponding transistor experiences body effect during the switching process. 

5.3 Complex CMOS Gates 
There are many situations where we would like to implement more complicated 
functions than just NANDs and NO Rs. For example, if we wanted to realize the 
logic for 

F = (A+ B) · C (5.4) 

we could implement it as a series of multilevel logic gates consisting of ANDs, ORs, 
and inverters. However, CMOS lends itself to efficient implementation of such 
functions through the use of duality and DeMorgan's Laws. Implementations of this 
variety are referred to as AND-OR-INVERT (AOI) and OR-AND-INVERT (OAI) 
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gates. Consider the fact that in a NA:.'lD gate, we have parallel PMOS devices and 
series NMOS devices. These are duals of each other. Similarly, NOR gates have par­
allel NMOS devices and series PMOS devices. Again, these are duals of each other. 

The dual of any logic function can be obtained by exchanging the AND and OR 
operations. For example, the following functions are duals: 

ab#a + b 

(a+ b)c#ab + c 

We encountered a special case of DeMorgan's Laws earlier in the chapter. In general, 
DeMorgan states that the complement of a function can be obtained by replacing 
each variable or element with its complement, and then exchanging the AND and 
OR functions. This is one of the most valuable rules in Boolean algebra and it is 
extremely useful in constructing the PMOS and NMOS configurations for complex 
CMOS gates. 

For the function given in Equation (5.4), we could apply DeMorgan as follows: 

F = (A + B) • C = (A + B) + C = A . B +. C (5.5) 

The logic expressions for Fin E<1uations (5.4) and (5.5) tell us how to implement 
the CMOS circuit in one logic stage. If we first examine Equation (5.4), it specifies 
how the NMOS devices should be configured. Since the NMOS transistors act to 
pull the output low, we should complement F to obtain its implementation. The 
NMOS function is F = (A + B) · C. The NMOS implementation requires two par­
allel transistors with inputs A and B in series with a third transistor with input C. 

Equation (5.5) reveals how we should implement the PMOS function. Since the 
PMOS function pulls the output high and the devices effectively complement each 
term, we should implement the function after a term-by-terin complement. That is, 
we should implement F= AB+ Cusing the PMOS devices. This requires two series 
PMOS devices to implement AB and one parallel transistor with the input C. The 
resulting function is an OAI function, as shown in Figure 5.12. 

To generalize the example shown above, we need to combine duality and 
DeMorgan to produce a desired function in a single stage. In fact, we need to con­
struct tv,o switch networks to implement a function in CMOS: a pull-down net­
work (n-complex) and a pull-up network (p-complex), as shown Figure 5.13. The 
n-complex is defined as the complement of the function that sets the output to 0 
due to an active path to Gnd. The p-complex is defined as the function of comple­
mented variables that sets the output to 1 creating a path to Vvv· The two functions 
should be duals of one another (after each literal is complemented). 

Algorithmically, we should take the given function F and produce the comple­
ment to obtain the function that we implement in the n-complex. The dual network 
should be used for the p-complex. This is obtained by exchanging AND and OR 
operations. A visual inspection of the two networks for the duality property can be 
carried out to check for correctness at the end of the process. Sizing the transistors 
follows the same steps as described for the basic NA:.'\ID and NOR gates. 
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c·--1...---+--

8------'----l 

Figure 5.12 
Complex CMOS gate implementat:on of (A + B) • C. 

Figure 5.13 

A 

B 

C 

A 

B 

C 

Generalized complex ga;;:e representation. 

Complex CMOS Gate Circuits 

Problem: 

p-complex 

'---- F 

n-complex 

Implement F = AB + CD as a single-stage complex CMOS gate and a pseudo­
NMOS gate. 

Solution: 

For the CMOS gate: first complement F to obtain the n-complex function: 
F = AB + CD.This implies that we need two series NMOS paths in parallel with one 
another. One series path implements AB while the other implements CD. 

Example 5.3 
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Next, take the dual of the complement of F: 

Fldua1 = (A+ B)(C + D) 

This is the function implemented in the p-complex.The same expression would be 
obtained if we applied DeMorgan's Law to F and then complemented each literal. 
This implies that we need a series connection of two parallel devices,one with A or 
Band the other with C or D. 

v,,,, 

C ----j 

D ----j 

F 

For the pseudo-NMOS gate,only the first part is needed to construct then-complex. 
The pull-up network is, of course, only a single PMOS device. Clearly, this is more 
efficient than the CMOS case in terms of area. 

5.4 XOR and XNOR Gates 

C ----j 

D ----j 

F 

Two logic functions that are important in digital design are the XOR and the XNOR 
functions: 

fxoR = ab + ab= (XOR) 

!XNOR = ab + ab = (XNOR) 
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(a) 

Figure 5.14 

f 

Static implementation of (a) XOR and (b) XNOR gates. 

STATIC MOS GATE CIRCUrrs 

f 

(b) 

There are a variety of ways to implement these functions. A number of static ver­
sions of these gates will be presented here, while versions based on the CMOS trans­
mission gate will be presented in later chapters. 
_ The straightforward implementation assumes that we have access to a, a, b, and 
b. In that case, the implementations are simply based on the material in the above 
sections. The corresponding circuits are shown in Figure 5.14. For the XOR gate, we 
first complement the fxoR function and use it to create the pull-down function. 
Therefore, two branches are needed, one for ab and the other for ab. The transistor 
configuration can be interpreted as follows: if both a and bare high, or a and bare 
low, the output is low. Otherwise, the output is high. 

The pull-up branch implements the fxoR function directly but replaces each 
term with its complement. The result is shown in Figure 5.14a. Note that the addi­
tional connection-between the p-channel devices is unnecessary in this case (shown 
as a dotted line). 

A similar process is used to obtain the XNOR gate of Figure 5.14b. In this case, 
the pull-down tree_ consists of the complement of fXNoR with each branch imple­
menting ab and ab, respectively. This implies that if a and bare different, the out­
put will be low. Otherwise it will be high. The pull-up network should implement 
the dual, with parallel connections in place of the series connections of the pull­
down tree. 

213 
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"4 
a ,4 

f 

b 

b ---j 

s • ---1 T---j 

-
(a) (b) 

Figure 5.15 
Mul:iplexer (a) losic symbol and (b) CMOS implerr.enta:ion. 

5.5 Multiplexer Circuits 
The multiplexer circuit produces an output by selecting one of N inputs. There are 
many ways to implement this type of circuit. We will examine transmission gate 
versions in Chapter 7. Here we examine the simplest possible multiplexer to select 
one out of two possible inputs. The function to be implemented is 

f= as+ bs (MUX) 

where sis the selection signal and a and bare the two inputs. This function is rem­
iniscent of the XOR and XNOR gates and can be implemented in a similar fashion 
as shown in Figure 5.15. The multiplexer is often referred to in its short form as the 
MUX. 

5.6 Flip-Flops and Latches 
In all logic circuits described so far, the output is directly related to the input by 
some logic combination. Typically, there are no feedback loops in these circuits, so 
the outputs are always a logical combination of the inputs. As a class, these circuits 
are known as combinational logic circuits.• 

There is another class of circuits, known as sequential logic circuits, in which the 
new outputs also are dependent on the inputs and the preceding values of outputs. 
Examples are counters and data registers. A characteristic of static sequential cir­
cuits is that one or more output nodes are intentionally connected back to inputs to 
give positive feedback, or regeneration. This is the same type of regenerative property 

9 Some have been knov.u to inadvertentt,.· use the term combinatorial circuits rather than the correct term: 
combinational circuits. 

ONSEMI EXHIBIT 1038, Page 183



STATIC MOS GATE CIRCUITS 215 

that was described for inverter chains, except that the signal propagates around 
feedback loops in sequential circuits. 

Basic to sequential circuits is the bistable circuit. This type of circuit has two 
stable operating points. Prominent examples of the bistable circuit found in digi­
tal ICs are 

1. Latches 

2. Flip-flops 

These two terms have been used interchangeably in the literature, but there is a fun­
damental difference between them. We will explore this difference in more detail 
throughout this section, but a brief explanation of the two types of elements is in 
order here. Latches propagate values from input to output continuously when 
enabled (typically by a clock signal) whereas flip-flops propagate values at discrete 
points in time (typically on the rising or falling edge of a clock).As such, latches are 
said to be level-sensitive or transparent, whereas flip-flops are said to be edge­
triggered. This section will elaborate these concepts and include analysis and design 
of these circuits using CMOS technologies. The circuits can be implemented 
directly using the gates described above, although more efficient architectures are 
available as seen in later chapters. 

5.6.1 Basic Bistable Circuit 
We begin with a simple bistable circuit and progress to the elements that are used 
in mainstream chip design. Shown in Figure 5.16 are two cross-coupled logic invert­
ers and a voltage transfer characteristic that is typical of such a circuit The plotted 
VTC for Inverter l, Vout versus \.'in1 and Inverter 2, l:';0 versus V011t, are shown on the 
same graph. Note that there are three possible operating points for the circuit: 
points A, B, and C. A and B are stable operating points, while C is an l!nstable point 
(sometimes referred to as a metastable point). 

At point A, the low voltage level of Vm results in a high voltage level at V0u,, 
which causes a low level at V,0 • Similarly, the high voltage level of Vin at point B 

(a) 

FigureS.16 
, Cross-coupled inverters and corresponding \/TC. 

L 

A 

(b) 
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causes a low level at V
0
u, which in turn reinforces the high level of V;n. Since these 

two operating conditions are self-consistent, A and B are considered to be stable 
points of operation. Alternatively, the gain of the two inverters at the two stable 
points is less than unity which keeps their outputs stable. 

At point C, the slope is positive and greater than unity (in magnitude). Both 
Inverter I and 2 are conducting. As a result, point Cis unstable since any small volt­
age change introduced into the circuit at, say, V, 0 will be amplified and regenerated 
around the circuit loop, causing the operating point to move to one of the two sta­
ble points. With V,

0 
made positive with respect to V,ut due to noise, stability is 

reached at point B. With the polarity of the noise source reversed, stability is real­
ized at point A. Note that the cross-over point is the switching threshold, V8, a value 
that was used to determine the single source noise margin. In essence, the cross­
coupling of two inverter circuits results in a bistable circuit with two stable states. 
For stability it is necessary that the voltage gain around the loop be less than I; oth­
erwise, the positive gain will amplify the change and eventually force the outputs to 
switch to the opposite state due to the regenerative effect. 

For a bistable circuit to change state it is necessary that the voltage gain of the 
circuit be made greater than 1. This can be accomplished by introducing a trigger 
voltage pulse at V,

0
• With the input of Inverter I in the low state, a positive trigger 

pulse is required at V,
0

• The voltage amplitude of the pulse should be sufficient to 
raise the voltage past Vs where the gain of the circuit is greater than unity; then, due 
to the cross-coupled circuit and resulting positive feedback, the trigger pulse will be 
regenerated and a change to the opposite state will be initiated. 

The width of the trigger pulse need be only a little greater than the total prop­
agation delay time around the circuit loop. The average propagation delay for a sin­
gle gate is given by 

tPHL + tPLH 
tp = 

2 
(5.6) 

where tPHL is the high-to-low propagation delay, and tPLHis the low-to-high propa­
gation delay. The delay around the inverter loop is tPHL + tPLH; that is, twice the 
average propagation delay time of the logic inverters. So long as the trigger pulse is 
greater than this value, the circuit will change state. 

In summary, a bistable circuit may be triggered to move from one stable state 
to the other by moving an input past V8 for a duration of 2tp. In the absence of a 
trigger, the circuit remains in that stable state indefinitely, provided that power 
remains applied to the circuit. Another common name for the bistable circuit is a 
flip-flop. However, the name flip-flop is usually reserved for a more complex circuit 
than a simple cross-coupling of two inverters. 

5.6.2 SR Latch 
The simplest form of the bistable circuit is the set-reset (SR) latch. This circuit 
latches, or remembers, the incoming trigger pulse. Two implementations of this cir­
cuit are described below. It is a useful circuit that forms the basis of the memory cir­
cuits, described in Chapter 8. 
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R 
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(a) 

s Q 

R Q 

(bl 

-s R Q Q 

0 0 Q Q 
0 1 0 1 
1 0 1 0 
1 I 0 0 

(c) 

Figure 5.17 
SR latch composed of cross-coupled NOR gates. 

SR Latch with NOR Gates. In Figure 5.17a, the SR latch is implemented with two 
NOR2 gates. One of the inputs of each NOR gate is used to cross-couple to the out­
put of the other NOR gate, while the second input provides a means of triggering 
the latch from one stable state to the other. This circuit is considered to be a latch 
since the output is a continuous function of the input values (i.e., it is transparent). 
The logic symbol for the latch is shown in Figure 5.17b. The two outputs Q and Q 
are complementary and, by definition, the latch is in the set state with a logic I at 
the Q output and logic O at the Q output. Conversely, with a logic Oat the Q out­
put and logic l at the Q output, the latch is in the reset state. 

From Figure 5.17a, it can be seen that a logic 1 at the set (S) input will cause a 
logic O at the Q output and, with the reset (R) input at logic 0, it will result in a logic 
l at the Q output. That is, the latch is now set, and the S input can safely be returned 
to the O state. The trigger pulse at the S input of sufficient duration causes the latch 
to be set. Alternatively, a logic 1 at the R input will cause a logic O at the Q output 
and, ,vith the S input now at a logic 0, the result is a logic I at the Q output. Since 
the latch responds to high voltage levels at the inputs, S and R are referred to as 
active high inputs. When the inputs are both returned to the O state, the flip-flop 
behaves as a cross-coupled pair of inverters, as shown in Figure 5.16a, that hold the 
value until further changes are experienced at the inputs. 
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Example5.4 

The input/output results are provided in the truth table for the SR latch in Fig­
ure 5.17c. The truth table lists the output states for all the possible combinations of 
the input states. The first entry in the table is the hold state since, with low voltage 
levels at both Sand R inputs, there is no change in the Q and Q outputs. The sec­
ond and third entries are the reset and set states, respectively. In the fourth entry 
with high levels at both Sand R inputs, the result is that both Q and Q are low. Since 
the outputs are not complementary, a logic value of 1 at both Sand R inputs is con­
sidered to be a forbidden, or not-allowed, condition. It is only considered forbidden 
in the sense that the outputs are not complements of each other. Actually what hap­
pens is that when the input trigger pulses are returned to their quiescent levels, the 
final state of the latch is due to whichever input is last to go low. 

The delay from S to Q can be estimated as two NOR gate delays, while the delay 
from S to Q is only one NOR delay. Similarly, Rto Qis one gate delaywhileR to Q 
is two gate delays. 

SR Latch Design Using NOR Gates 

Problem: 

Design an SR latch in 0.13 /Lm CMOS using NOR gates to deliver a delay of 400 ps 
from 5 to Q and from R to Q. Assume that the total load to be driven by Q and Q is 
100 fF,and l = 100 nm. 

Solution: 

The following cross-coupled NOR configuration is used to implement the SR latch. 

Q 

s ---'---'' 

To obtain the desired propagation delays, we use the relationship tPHL = tl'I.H = 
0.7R,ffc,. There are two propagation delays from Sto Q and Rto Q,so we divide the 
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two delays equally between the two NOR gates. For the NMOS devices, we know 
that R,qn = 12.5 kfi/D. Therefore, 

L 
tp"' = 0.7(12.5 k!1)w(100 IF)= 200 ps 

w :. T = 4.4 

Set Wn = 440 nm for both NMOS devices. 
For PMOS devices, we use our rule-of-thumb and simply quadruple the size of 

the NMOS devices to obtain w, = 1.76 µ,m. 

SR Latch with NANO Gates. The SR latch can also be designed with NAND gates, 
as in Figure 5.18a. Similar to the NOR circuit, the reset condition of the latch is with 
Q = 0 and Q = I. However, with the NAND circuit, the Sand R inputs are normally 
at logic 1. The latch is set with S = 0, and reset with R = 0. Hence this latch responds 
to active low inputs, as is indicated by the small circles at the Sand R inputs of the 

R 
Q 

(a) 

s Q 

R Q 

(b) 

s R Q Q 
I I Q Q 
0 I I 0 
l 0 0 I 
0 0 I I 

(c) 

Figure S.18 
SR latch with NANO gates. 
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Exercise SA 

logic symbol shown in Figure 5.18b. It is also reflected in the characteristic table of 
Figure 5.18c. For the NAND configuration of the SR latch, the forbidden condition 
requires S = R = 0 since this leads to Q = Q = 1. 

The delay from Sta Q can be estimated as one NAND gate delay, while the delay 
from S to Q is two Nk"ID delays. Similarly, R to Q is two gate delays while R to Q 
is only one gate delay. The design of this circuit follows the design of the NAND 
gates described earlier. However, the problem of the forbidden state prevents this 
type of memory element from frequent use, as in the case of the NOR latch. 

Draw the transistor schematics for NAND-based SR latches using CMOS gates and 
pseudo-NMOS gates. Size the devices to deliver 400 ps propagation delays. whfan 
driving 100 fF loads in 0.13 µ,m technology. Use the same solution process as 
shown for the NOR gates in Example 5.4. 

5.6.3 JK Flip-Flop 
By the addition of two feedback lines the ambiguity at the output of the SR latch, 
when both S and R inputs are activated at the same time, can be overcome. The 
device is known as a JK flip-flop. The S and R inputs are renamed J and K, respec­
tively. An all-Nk"ID version of this circuit is shown in Figure 5.19a. An important 
addition is a clock ( CK} input, provided so that the change in the output logic states 
of the flip-flop can be synchronized with a system clock. Hence, the J and K inputs 
are termed the synchronous inputs; J is the clocked-set input and K the clocked-reset 
input. Note from the logic symbol for this circuit given in Figure 5.19b that all three 
inputs are activated by high voltage levels. 

The JK flip-flop is set and reset in a similar manner to the SR latch, except for 
the synchronizing with CK, by way of the two NAND gates at the input of the flip­
flop. With the flip-flop reset, Q = 0 and Q = l, and entry is only by way of the 
J input. A value of J = 1 would cause the flip-flop to set, making the Q output high 
and Q low. This now enables the K input; if K = I and if CK is still high, the flip­
flop will again change state. This is the flip-flop action from which it derives its 
name. 10 Note that if the clock continues to stay high with J = K = 1, the flip-flop 
will oscillate. Hence for this version of the JK flip-flop there is a very definite restric­
tion on the pulse width of CK. It must be less than the propagation delay time 
through the flip-flop. 

The characteristic table of the JK flip-flop is given in Figure 5.19c. Since the two 
outputs are always complementary, only the state of the output following the 
n + 1st clock is given, indicated as Qn+l' With J= K= 0, there is no change in the 
state of the flip-flop after clocking, indicated as Qn. But with J = K = I, the flip-flop 
changes state when clocked, indicated by Q .. A characteristic of all JK flip-flops is 
that with both J and Kat a high level the unit will toggle when clocked; that is, it will 

lo Technically, the outputs are directly controlled by the inputs while the clock is high and therefore it should 
be referred to as a latch. 
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Figure S.19 
JK flip-flop. 

change state irrespective of its original state. Again, if the clock is high for a long 
enough period, the flip-flop output will oscillate in this type of configuration. This 
undesirable limitation can be eliminated with the master-slave principle, described 
in the next section. 

S.6.4 JK Master-Slave Flip-Flop 

As shown in the logic diagram of Figure 5.20, the JK master-slave flip-flop is simply 
a cascade of two JK flip-flops, with the master driving the slave. An important point 
to notice is that the master is activated by CK, but the slave is activated by an 
inverted form of CK, namely, CK. The operation of the master-slave principle is as 

Master Slave 

J s Q s Q 
CK NAND NANO 

latch 
Q 

latch 
K R R Q 

CK 

Figure 5.20 
Master-slave flip-fiop usiog JK flip-flop. 

Q 

Q 
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Exercise s.s 

follows. As CK rises, CK goes down; at some point, CK has fallen sufficiently to dis­
able the input NAND gates of the slave. This isolates the slave from the master and 
freezes the state of the slave latch. In the meantime, CK rises enough to enable the 
input NAND gates of the master. Hence depending on the state of the f and K feed­
back lines, the state of the J or K input can be entered into the master. Now on the 
falling edge of the clock pulse, CK goes down; the input NAND gates to the master 
are disabled, freezing the state of the master latch. Then, the NAND gates to the 
slave are enabled and the state of the master is transferred to the slave. The outputs 
Q and Q are obtained from the slave latch. Due to this master-slave principle, there 
is no limit to how wide CK can be since, when the output changes state, entry into 
the master has been disabled. Only on the next clock pulse will the master input 
gates be enabled, and then not until a time corresponding to the slave being dis­
abled. Note that there is a minimum limit to the width of CK. It must be wider than 
the propagation delay time through the master flip-flop for proper functionality. 

A problem with the master-slave flip-flop is that it is subject to what is known 
as ones catching. That is, with CK high, suppose the slave is in the reset state, and the 
/input gate is enabled for a short while and then returns to 0. This will inadvertently 
set the first latch. Since this is a level sensitive circuit, the high value on J will prop­
agate into the master latch and lock in place. Thus, any "spike" or "glitch" on the J 
input line will cause the master latch to be set. It is impossible to reset this latch, 
since entry into the K input gates is disabled by the K feedback line. Thus, we say the 
J input has caught a 1 that will subsequently be transferred to the slave when CK 
goes down. One way to prevent ones catching is to keep the duration of the 1 state 
for CK as short as possible. Another way is to make use of JK edge-triggered flip­
flops, which is the preferred approach. 

Draw a timing.diagram that illustrates the l's catching drawback of the JK master­
slave flop:ofFigure 5 .. 20. Start by placing the JK in the reset state and apply a 

· ~eriodJc clqck signal. When the dock is high, introduce a short pulse on the J input. 
D,:aw, the ,corresponding logic waveforms on the outputs of the .NAND .latches. 

· W!,en does the undesired 1 appear at the Qoutput? 

5.6.5 JK Edge-Triggered Flip-Flop 

The logic diagram of a JK edge-triggered flip-flop is shown in Figure 5.21a. With CK 
at a high level, entry into the input NAND gates is controlled by the JK feedback 
lines in a similar manner as for the master-slave flip-flop. But entry into the NAND 
latch is prevented until CK goes low. 

Vl'hen CK does go low, the input NAND gates are disabled; the output of the 
flip-flop changes dueto the state of the J and/ or K inputs just prior to CK going low. 
For proper functionality, the values on the J and K inputs must be held stable for a 
finite length of time before the clock edge. This is the set-up time of the flip-flop. 
The circuit is forgiving of any spikes or glitches on the J or Klines prior to this time 
as long as the set-up time is satisfied. Some flip-flop designs require the state of the 

ONSEMI EXHIBIT 1038, Page 191



J Q 

CK 

K Q 

(b) 

Figure 5.21 
JK negative edge-t'iggered fiip-fiop. 

(a) 

NAND 
latch 

STATIC MOS GATE CIRCUITS 223 

Qt-;~-Q 

~-~ R Q I-'-+-- Q 

J,, K,, Qn+l 

0 0 Q,, 
0 I 0 

0 I 
Q, 

(c) 

J and K input lines to remain stable for a time even after the clock edge arrives. This 
is known as the hold time. Usually the minimum hold time is O ns. 

As shown in Figure 5.21b, the logic symbol for an edge-triggered flip-flop is dif­
ferentiated from the master-slave by a small > sign at the CK input. The presence 
or absence of the inverting symbol is used to indicate whether the outputs Q and Q 
change on the falling or rising edge of the clock pulse. The logic symbol indicates 
a negative edge-triggered flip-flop. The corresponding truth table is shown in Fig­
ure 5.21c. 

In summary of the JK flip-flops, we have noted that the device may be of the 
master-slave or edge-triggered type. The outputs may change following or on the 
rising or falling edge of the clock pulse. The device usually has additional inputs for 
direct set and reset so that the outputs can be initialized to the desired settings. 

5.7 D Flip-Flops and Latches 
Another very useful flip-flop, most widely used in CMOS digital circuits and sys­
tems for the storage of data, is the D flip-flop. The truth table of a D-type flip-flop 
is shown in Figure 5.22a. With clocking, the Q output simply follows the D input. 
The Q output is always complementary to the Q output. 

The D-flop may be of tw·o types. It may be transparent, as shown in the logic 
diagram (Figure 5.22b ). The CK input is really an enable input that, when high, 
allows the Q output to follow the D input. The state of the element is frozen only 
when CK goes low. Or, it may be edge-triggered, as in Figure 5.22c. Similar to other 
edge-triggered flops, with CK either high or low the D input has no effect on the 
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D Qn+I 

0 0 

(a) 

D Q D Q 

CK ii -----1, CK Q 

(b) (c) 

Figure 5.22 
(a) Truth table, (b) transparent D-latch, and (c) edge-triggered D-fiop. 

output. Data are transferred from the D input to the output only on the rising edge 
of the dock pulse. 11 At this point, it should be emphasized that the working defini­
tion of a latch is an element that is level-sensitive and transparent, whereas a flip­
flop is edge-triggered and otherwise opaque.12 

To further describe the difference between the two types of sequential elements, 
it is useful to examine the outputs, given the same input and dock signal. Consider 
Figure 5.23 where the D-latch is driven by IN and CLK. The output is a continuous 
function of the input while the clock is high. That is, the D-latch allows the input to 
propagate through the latch to the output when CLK is high and prevents its prop­
agation when low, Initially, the output is unknown. When the clock goes high, the 
low input propagates to the output. When the input data goes high, it appears at the 
output after a short delay. When the clock goes low, the last value of the input is 
held. Note that the falling edge of CLK is the important one since this is when the 
data is latched at the output. Further changes in the input are not propagated to the 
output. Therefore, the small negative pulse in the input of Figure 5.23 is not seen at 
the output. 

Now consider the D-flop in Figure 5.24. In this case, it is constructed using two 
D-latches in a master-slave configuration driven by CLK. For the positive edge­
triggered D-flop, the important edge is the leading edge of the clock waveform. The 
leading edge captures and propagates the last value at the input just prior to the 
dock transition; the final state of the flip-flop is due to the state of the D input just 
before docking occurs. In the waveform shown, there are two points sampled: in 
one case, the input is low and in the other case the input is high. As a result, we see 
a transition at the output corresponding to the second rising clock edge. The actions 

11 Since there is no bubbie on the CK input, this is a positive edge-triggered flip-flop; a bubble would indicate 
a negative edge-triggered flop. 
12 Designers tend to use the terms flip-flop and latch interchangeably which is some cause for confusion. We 
will strictly use latch and flip-flop definitions from this point onward in this text to avoid such confusion. 

ONSEMI EXHIBIT 1038, Page 193



r 
' 

Figure 5.23 
D-latch operation. 

D-flop 

IN OUT 
D Q 

CK 

CLK 

Figure 5.24 
D-flop operation. 

= 

D-latch 

CK 

CLK 

IN 

CK 

CLK 

IN ______r-i__r-­

CLK ~ 
~.--­

OUT~ 

OUT 

CK 

STATIC MOS GATE CIRCUITS 

are equivalent to a sample-and-hold circuit, where the sampling is done when the 
clock edge hits the flop. 

There are a number of important timing characteristics associated with flops 
and latches. The timing parameters for the flip-flop are illustrated in Figure 5.25. 
The clock edge is the reference point for these timing parameters. The setup time, 
T.,,up> is the time that the incoming data must be stable before the clock arrives. The 
holct time, Thold> is the length of time that the data remains stable after the clock 
arrives for proper operation. As shown in the figure, if the data is stable before the 
setup time and continues to be stable after the hold time, the flop will properly cap­
ture the data. However, if it settles after the hold time it is guaranteed to fail. A fail­
ure implies storage of the wrong data. 

If the data arrives within the period designated by the setup and hold times, the 
flop may or may not capture the correct value. This is the uncertainty interval. 
However, the user of such a flop should not permit signals to stabilize in this range 
since proper performance is not guaranteed. Another parameter of importance is 
the clock-to-Q delay, Tdk·q· This is the delay from the time that the clock arrives to 
the point at which the Q output stabilizes. In reality, the incoming data must arrive 
at Tsetup before the clock hits, and the output is valid at Tdk·q after the clock edge. 
Viewed in this way, the "overhead" of the flop is Tsetup + Tdk-q• When designing 
flops, we should try to minimize :r;,tup' Thotd• and Tdk·o· 
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Figure 5.25 
Flip-flop timing parameters. 
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Latch timing parameters. 
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A similar set of parameters applies to the 0-latch as shown in Figure 5.26. The 
interesting edge of the clock is the falling edge, so the corresponding setup and hold 
times are associated with this edge. However, data begins to flow after the positive 
going edge of the clock so the setup and hold times are not as critical, and are typ­
ically much smaller for the D-latch. The more important parameter is the "over­
head" associated with the latch, which is referred to as the D-to-Q delay, Td-q· This 
is the amount by which the data is delayed by the presence of the latch. Since the 
latch is transparent when the clock is high, we are more interested in reducing the 
delay between input and output as opposed to the setup and hold times. However, 
if there is a late arriving signal near the falling edge, it must satisfy the setup and 
hold constraints or the circuit will fail. 

We now illustrate how a D-latch can be constructed using conventional CMOS 
logic. A logic diagram for the 0-latch is given in Figure 5.27. This is suitable for 
implementation using AO I gates as shown in Figure 5.28. An edge-triggered 0-type 
flip-flop may be constructed from two such transparent latches in cascade driven by 
complementary clocks. The number of transistors needed to realize a D-flop in this 
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Figure 5.27 
Gate level realization of 0-latch. 
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Figure 5.28 
AOI implementation of cl-latch. 

manner is large. More efficient circuits for D-latches and D-flip-flops will be pre­
sented in Chapter 7. 

5.8 Power Dissipation in CMOS Gates 
Power consumption in CMOS digital designs has been increasing at an alarming 
rate over the past few technology generations. It has become perhaps the most 
important design specification in recent years since it affects power grid design, chip 
temperature, packaging decisions, and long-term reliability. If the trend for chip 
power continues, it will begin to dictate the logic/memory composition of future 
designs and force most of the chip to be dominated by memory, which consumes 
less power than logic circuits. In this section, we examine the sources of power dis­
sipation in CMOS gates and describe circuit techniques to minimize power in 
CMOS designs. AJ; we describe these techniques, take note of the role of timing in 
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controlling power. To minimize power, we often adjust the timing characteristics of 
a design. In effect, the tradeoff between power and timing is a key issue in CM OS 
digital design. 

Power is due to current flowing from the supply to ground. \'l'hen computing 
power, we must add up all the sources of current flow from Vnn to Gnd and multi­
ply it by the potential difference between the two supply rails. The general power 
equation is given by 

(5.7) 

where Iv is the current flowing from Vvv to Gnd. 
In CMOS, the sources of power can be broadly categorized into two groups: 

1. Dynamic Power 

2. Static Power 

Dynamic power arises from three sources: power due to capacitance switching, 
short-circuit power due to "crowbar" current flowing from Vvv to Gnd during 
switching, and power due to glitches in the output waveforms. Static power is due 
to leakage currents (subthreshold current and source/drain junction reverse-bias 
current) and de standby current (e.g., pseudo-NMOS circuits with low output). The 
two most important sources of power dissipation today are capacitance switching 
and subthreshold leakage. Static de power dissipation is of primary concern only 
when using pseudo-NMOS gates. We now describe these components in detail. 

5.8.1 Dynamic (Switching) Power 

Most of the chip power today is due to the charging and discharging of capacitances 
in the circuit as a result oflogic switching events. \¥hen switching events occur, the 
supply current acts to charge the output load capacitance on one part of the cycle, 
and discharge the capacitance on the other half of the cycle. Effectively, we have cur­
rent flowing from Vvv to Gnd (albeit on different parts of the cycle) and this leads 
to power dissipation. The frequency of switching, f, determines the actual power 
that is consumed. 

To compute the average power dissipation due to switching, we need to deter­
mine Iv and multiply it with Vvv· The considerations are detailed for the CMOS 
inverter of Figure 5.29a. \¥hen the input switches from high to low, the PMOS 
device turns on, as shown in Figure 5.29b. It charges up the output to Vnn, thereby 
storing energy on the capacitor. \¥hen the input switches from low to high, the 
NMOS device turns on and discharges the capacitor as illustrated in Figure 5.29c. 
The average charging current is 

(5.8) 

Note that in the above equation, we assume that the average switching frequency of 
the inverter is f,vg and the voltage swing is VvD· 
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Figure 5.29 
Dynamic power dissipation consideratior.s. 

The combination of these two processes results in power dissipation. Since the 
current is associated with a capacitor) we can write 

This equation tells us exactly what our options are to reduce power: keep CL small, 
reduce the swing, reduce VDD' or reduce the switching frequency, f,,,,. The approach 
used to reduce power will be dependent on the design style used, timing constraints, 
area constraints, and other tradeoffs. Usually power reduction requires a combina­
tion of many methods. 

One factor that we should examine more closely is the average switching fre­
quency of the inverter, f,,,.. The clock frequency is normally taken to be fc1k and 
clearly the clock switches on every cycle.13 If we refer to a transition from high to 
low or low to high as a toggle, then it follows that we need two toggles to have power 
dissipation. On the other hand, most logic gates do not switch on every cycle as 
shown in Figure 5.29d. The average frequency of operation can be specified using 
an activity factor, a0...,,, that is multiplied by the clock frequency, fclk· The power 
equation can be modified to include this activity factor as follows: 

Pswitching = ll'0--;,1 CL V1vfdk (5.10) 

u In fact, the dock circuit may consume up to 40% of the chip power due to its large capacitance and high 
frequency. 
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ExampleS.5 

ExampleS.6 

With this power equation and lmowledge of the activity factor for each gate, we can 
accurately estimate the chip power. While "o....i should be computed for each gate 
separately, we can also compute an average activity factor and capacitance for the 
whole chip and use these values to estimate the average chip power due to switching. 

Activity Factor Calculation 

Problem: 

In Figure 529d, we have a total of four toggles of the output over the duration of 
eight clock cycles. What is the activity factor for this node? 

Solution: 

Number of clock cycles = 8 
Number of toggles at output= 4. Two toggles are required for power dissipation. 

# toggles/2 4/2 
«0--,1 = 

1 
k 

1 
= activity factor (switching factor)= - = 25% 

#coc cyces 8 

Comparison of Hand Calculation of Power with SPICE 
Compute the power due to switching for an inverter with WP= 800 nm and w. = 
400 nm driving a total load of 50 fF with an average switching frequency of 
250 MHz. Compare the results with a transient simulation in SPICE. Which value is 
larger, the one obtained by hand calculation or by SPICE? Use 0.18 /Lill technology 
parameters for the analysis with V00 = 1.8 V. Ignore parasitic capacitances and set 
input rise/fall times to 300 ps in SPICE. 

Solution: 

The dynamic power can be computed by hand as 

P = CV2f= (50 fF)(l.8) 2(250 MHz)= 40.5 /Lw 
A SPICE simulation can be performed to confirm this result. A transient analysis is 
required, followed by an average power measurement over a 4 ns period. Note that 
the inverter must toggle high and low in order to create a "power event."The input 
file for SPICE is as follows: 

*Power dissipated by inverter 
*Set supply and library 
.param Supply=l.8 *for 0.18 technology 
.lib 'bsim3v3.cmospl8.lib' 
. opt scale=O. lu *Set lambda 

--------

ONSEMI EXHIBIT 1038, Page 199



r STATIC MOS GATE CIRCUITS 231 

Gnd 
* Power 
.global 
Vdd 

supply 
Vdd 
Vdd Gnd 'Supply' *Supply is set by .lib call 

*Subcircuit 
.subckt inv in 
mp out in 
mn out in 
Cload out Gnd 
.ends 

out 
Vdd Vdd 
Gnd Gnd 
50fF 

* Top level simulation netlist 
Xinv in 1 inv 

PMOSl 1=2 w=8 ad=O pd=O as=O ps=O 
NMOS1 1=2 w=4 ad=O pd=O as=O ps=O 

Vin in Gnd pulse 0 'Supply' lns 200ps 200ps l.7ns 4ns 
* Simulation 
.tran 
.measure 
.end 

SOps 
tran 

Sns 
avgpwr avg P(Xinv} from=ln to=Sn 

From this simulation, the average power dissipated by the inverter during the 
interval is found to be 46.3 µ,W. This is approximately 14% higher than the hand 
calculation. 

A,, seen in the above example, if we run SPICE on a single inverter and measure 
power, we will find that the measured value exceeds the hand-calculated value. That 
is, PsprcE > CVbvf. Why would this be the case? The primary reason is due to short­
circuit current or crowbar current (although a very small percentage of it is due to 
leakage current). The origin of the crowbar current, [50 is illustrated in Figure 5.30. 

' ' -: 

i Vin 
' ' 

(a) 

Figure 5.30 
Short-circuit current flow during switching process. 

(b} 
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Crowbar current is the current that flows directly from Vvv to Gnd during 
switching events. The reason why short-circuit flows is that for a certain period of 
time both transistors are on simultaneously; that is, IVcsl > IV,l for both devices. If 
we apply a step input, only one device would be on at any given point in time, and 
we would not observe any short-circuit current. However, since all inputs have a 
finite slope, both devices are on when Vw < V.n < Vvv - I Vrpl, Crowbar current 
flows in both charging and discharging conditions. The time period that short­
circuit current flows depends on the rise/full time of the input: 

/:it"= /:it=+ !:lt4 

where /:lt"'and Lit,efare illustrated in Figure 5;30. When discharging, the sum of the 
supply current and the discharging current flows through the pull-down device. 
This is illustrated in Figure 5.30a. During the charging process, part of the supply 
current flows to the capacitor while the remainder flows to Gnd as shown in Figure 
5.30b. The average power associated with this current is 

Since crowbar current flows during all switching events, it is possible to rewrite the 
equation as follows. Taking Isc,,vg as the average crowbar current during the two 
switching intervals, then 

This can be substituted into the previous equation to obtain 

f:l t,,j SC,,vg 

Psc = T Vvv = Li t,Jsc,.,, Vvvfclk (5.11) 

It is desirable to replace the first two terms by a term that is similar to the dynamic 
power expression, as follows: 

dV 
I= Cdt=> I!:lt = C!:l V 

Substituting into Equation (5.11 ), we obtain 

Finally, we introduce another switching activity factor and set C" = a"CL' With this 
adjustment, we have 

(5.12) 
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In effect, we are incorporating all the effects of the short-circuit current into a fac­
tor a" that depends on the device threshold voltages and input rise and fall times. 
The total dynamic power can be written as 

(5.13) 

The first term accounts for the power due to capacitance switching while the second 
term accounts for the short-circuit power. The new a incorporates both the activity 
factor and short-circuit current effects. 

To reduce short-circuit power, we should set the rise and fall times, or edge rates, 
to be as short as possible. This will minimize !!.t", the time that both devices are on. 
However, this is a local optimization that may not be globally optimal. If we use large 
drivers at the input to reduce the rise/full times, this increases the capacitance, 
thereby increasing the overall dynamic power. In effect, there is a tradeoff between 
dynamic power of the previous gate and short-circuit power of the next gate. We 
usually seek to minimize the total power due to the sum of these two components. 
One solution that has been found to be effective is to make the input and output edge 
rates sharp and about equal. This tends to minimize the overall power due to the two 
components of dynamic power. This is one example where, in order to minimize 
power, we must consider the timing characteristics of the signals. We will find many 
instances where the timing is an important factor in reducing the overall chip power. 

There is one other source of dynamic power due to differences in the arrival 
times of signals at gate inputs. If a given input signal arrives first and forces the out­
put to switch, and later another input signal arrives and causes the output to switch 
back to the original value, we have a glitch in the output. This type of undesired out­
put pulse causes unnecessary power dissipation, which can be modeled in terms of 
switching power. It can be a major component of the total power if the designer is 
not careful. Glitches tend to propagate through the fanout gates and cause unin­
tended transitions in subsequent stages, increasing the power dissipation even fur­
ther. Depending on the number of glitches in the chip, it can quickly add up to a 
nonnegligible amount of power. 

To reduce glitches, signals should be made to arrive at roughly the same time at 
all gate inputs. This requires a balancing of the path delays and gate delays in a com­
binational logic block. Whenever possible, the designer should select logic circuits 
that minimize the potential for glitches. This may also involve retiming a given cir­
cuit or selecting architectures that are glitch free, or exhibit fewer glitches than oth­
ers. The key, as will be dear in many design guidelines throughout this book, is to 
keep things as balanced as possible. 

Glitch Exampl" Using NOR Gat" 

Problem: 

Using SPICE and a 0.18 µ,m technology, adjust the inputs of a 2-input NOR gate 
until a glitch appears at the output during a transient analysis. Under what condi­
tions does a glitch occur? How should such a glitch be prevented? 

ExampleS.7 
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Solution: 

Create a SPICE file with a 2-input NOR gate. During the analysis, one input should 
be switching from low to high while the other is switching from high ta law in the 
same interval to create a glitch.To prevent such a glitch, all the inputs should arrive 
at the same time. 

*NOR Gate Glitching Example 
*Set supply and library 
.param Supply=l.8 *for 0.18 teclL~ology 
.temp 25 *Override temperature by setting it before 

.lib 
.lib 'bsim3v3.cmospl8-lib' 
. opt scale = 0 .1 u * Set lambda 
*Power supply 
.global Vdd Gnd 
Vdd Vdd Gnd 'Supply' * Supply is set by .lib call 
*Top level simulation netlist 
mpa out ina x Vdd PM:OS 1=2 w=16 ad=SQ pd=l6 as=80 ps=l6 
mpb x inb Vdd Vdd PMOS 1=2 w=16 ad=80 pd=16 as=80 ps=16 
mna out ina Gnd Gnd NMOS 1=2 w=4 ad=20 pd=4 as=20 ps=4 
mnb out inb Gnd Gnd NMOS 1=2 w=4 ad=20 pd=4 as=20 ps=4 
Va ina Gnd pulse 'Supply' 0 lns lOOps lOOps 4.lns Sns 
Vb inb Gnd pulse 'Supply' 0 lns 100ps lOOps 2ns 4ns 
*Simulation 
_tran lOOps 9ns 
.plot tran V(out) 
.end 
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Standby power is an important design consideration for low-power battery-operated, 
or portable, de\~ces. There are three basic sources of static power: subthreshold 
leakage, pn junction leakage, and de current in the output low state. Today, leakage 
currents are beginning to control design decisions even for high-performance non­
portable applications. As a result, this component of power is gaining more atten­
tion in the IC design industry from process engineers, circuit designers, and CAD 
engineers. 

The most important issue is the subthreshold leakage. In recent years, it has 
grown significantly due to the close proximity of the source and drain. This results 
in a bipolar transistor action, where the substrate is the base of the bipolar transis­
tor, and the source and drain act as the emitter and collector, respectively. Sub­
threshold current is due to diffusion current of minority carriers across the channel 
region. From earlier discussions in Chapter 2, we found that the subthreshold cur­
rent equation has the form 

I,ub = I,e[q(Vc,-V,-V,s,J/nkT] (1 _ e<-qV,JkT)) 

When we examine this expression from a power perspective, we try to identify 
the controlling parameters to keep I,ub as low as possible. Specifically, if Vcs = 0, 
then Vr controls the magnitude of the subthreshold current. As Vr is reduced, the 
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value of I,uh increases (see Figure 2.16). Since Vy has been kept relatively constant 
over the years, the subthreshold current has been kept in check. However, V0 v - VT 
controls the forward-active drive capability of the transistor; in effect, we limit the 
performance of the devices by keeping Vy constant while scaling Vvo in each tech­
nology generation. Clearly, a tradeoff exists between I0 n and I0 ff when selecting Vy-

An alternative is to dynamically modify the threshold voltage during operation. 
We can accomplish this by adjusting the substrate bias of the transistors in the sig­
nal path. However, when doing so, we must ensure that the Vy is reset to a higher 
value when these devices are inactive. This is not a straightforward procedure for 
complex, high-speed designs. 

Another controlling parameter is Vvs· If we can reduce this value, when the 
device is off, it will act to reduce the current. Recall that drain-induced barrier low­
ering causes increased drain current due to a reduction of Vy. Any approach that 
can limit Vvs will limit the subthreshold conduction. One method is to add series 
transistors to the pull-up and pull-down paths so that there is a smaller Vvs across 
each transistor. This is sometimes referred to as source degeneration. 

A third parameter that can be controlled is temperature. Ifwe can cool the tran­
sistors down to a very low operating temperature we obtain two benefits. First, since 
the subthreshold current is due to minority carriers, reducing the temperature will 
reduce the number of carriers and this will act to reduce the current. When the tran­
sistor is on, a reduction in temperature will actually increase the drive current since 
the mobility of the majority carriers will be increased. Of course, the cooling of 
chips requires a much more expensive package, which will increase the cost of the 
design. 

Another source of leakage is due to the reverse-bias of source and drain junc­
tions. The percentage of the overall power dissipation is rather small but we should 
still understand its origin. The basic diode equation is given by 

where Io = A · ls 

In reverse-bias mode, the current is IP,,= -A J,, where A is the area of the junction 
and J, is the current density. The areas of interest are the bottom of the junction and 
the channel-facing sidewall. Therefore, we need to keep these areas as small as pos­
sible by minimizing the source and drain areas. The currents are typically in the pA 
to nA range and are negligible in most digital designs. The combination of sub­
threshold current and the pn junction current is referred to as leakage current: 

(5.14) 

Since the NMOS and PMOS have different leakage currents, I1,,k can be based on 
the average leakage of the pull-up and pull-down paths. The total static power dis­
sipation due to these two components is 

(5.15) 

One final form of static power is found in the pseudo-NMOS gates when the out­
put is low. In this case, the current, IDD through the gate is computed by setting the 
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output to V0 L and determining the current flow through any device in the current 
path. This current is multiplied by Vvv to obtain the power 

(5.16) 

This power can be relatively large. If we design a circuit with exclusively pseudo­
NMOS gates, the power budget would be exceeded very quickly, much like the 
NMOS technology on which it is based. Recall that NMOS technology gave way to 
CMOS technology due to the de standby power when the output of a gate was low. 
Imagine that you have 2 million logic gates and half of them are dissipating power. 
You quickly realize that you will exceed your power budget no matter what you do 
since the mere existence of the gates implies power dissipation. Therefore, pseudo-
1\'M OS should be used sparingly. 

5.8.3 Complete Power Equation 
For a standard CMOS gate, the power equation is given by 

P = a C Vl,nfclk + I1eak Vnv (5.17) 

where the short-circuit current effects are included in the a term. 
For a pseudo-NMOS gate, the complete power equation is given by 

, IncVvn 
P = a C Vnvfdk + .li,,k Vvn + 

2 
(5.18) 

where the last term considers the fact that the de current is flowing only half the time. 

DC Power Dissipation for Pseudo-NMOS Inverter in 0.13 µm Technology 

Problem: 

Compute the de power dissipated by the pseudo-NMOS inverter when the output 
is low, given that Vm = 0.1 V, Walln = 9. Use 0.13 µ,m technology parameters. 

Solution: 

The current flowing through the inverter can be computed using the current 
through the pull-down transistor that is in the linear region of operation: 

loc = ~N ( /J,n~x ) [ (Voo - Vm)(Vod - (V~,)'] 
N 1 + _____Elc_ 

EcJ.N 

Using the parameter values for 0.13 µ,m CMOS: 

430 µ,A/V2 
[ (O.l)'j-

loc = 9 X ( ( / )) (1.2 - 0.4)(0.1) - -- = 250 µA 
1 + 0.1 0.6 2 

:. P = locV00 = 250 µ,A X 1.2 V = 300 µ,W 

Example5.8 
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5.9 Power and Delay Tradeoffs 
In most designs today, the primary tradeoff is between power and delay. We have 
already seen that equalizing the input arrival times will reduce glitches and equaliz­
ing the edge rates will minimize short-circuit current. Clearly, it is not sufficient to 
optimize one without considering the other. If we improve a design relative to 
power but it slows down the circuit, the results may not be acceptable. Similarly, an 
improvement in speed may only be achieved at the expense of power. Therefore, a 
metric is needed that allows us to balance the two design objectives in a meaning­
ful way. 

One such metric that has been popular for many years is the power-delay prod­
uct (PDP). The rationale is that, if we are interested in reducing power and reduc­
ing delay, then why not take the product of the two and try to minimize them 
together? At an intuitive level, this makes sense. If we follow this thought process to 
establish a metric for gates, then: 

(5.19) 

where P,,g is the average power and tp is the average propagation delay of a gate. 
Considering only the dominant source of power for a gate, we have 

Pavs = CVbvf 

and the propagation delay is 

I 
tp= -

2f 

assuming that the switching period is twice the propagation delay. Combining these 
results, we obtain 

2 I CVbv 
PDP = CVvnf -f = --

2 2 
(5.20) 

This is an energy quantity and, as such, the PDP represents the energy required to 
perform a specific operation. The reason why we view this as an energy quantity is 
that.energy is the time integral of power. If we compute the energy stored in the 
capacitor after a charging operation, we obtain 

J
oo Joo d,; Iv,, I 

Ee= ((t)v
00

,(t)dt = C dout v,,,(t)(dt) = Cv0.,(t)dv00, = - CVJn 
O O t o 2 

In this case, the operation is to switch from low to high. In a similar fashion, Equa­
tion (5.20) defines the PDP as the energy per toggle operation for a gate. 

The PDP can be minimized by reducing the capacitance C, the voltage swing 
AV swing or the power supply voltage, Vnn· However, the metric has some limitations. 
If the PDP of two designs performing the same operations are compared, it would 
still be difficult to tell which one is better. For example, if one used a lower supply 
voltage to reduce PDP, the metric would not capture the fact that the delay is also 
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reduced. Also, using smaller transistors would reduce C, but may also slow down the 
circuit. Because of the cancellation of the delay term when deriving the PDP, we 
have lost valuable timing information. 

A solution to this problem is to define another metric that multiplies the PDP 
by the delay. This is termed the energy-delay product (EDP). It is given as follows: 

EDP= PDP X tp (5.21) 

We already have the equation for PDP, but we need a new formulation for tp: 

dV 
I= C-

dt 

:. At= CL\.V 
I 

CL\.V CVDD 
:. tp = -- = ---=--

I,,i K,(VDD - Vr) 

(5.22) 

where K2 is a constant that depends on device sizes. Combining Equations (5.20) 
and {5.22), we obtain: 

c'v' EDP= DD 
2Ki(Voo - v,) 

(5.23) 

Now, whenever power supply values or device sizes are altered, they are captured in 
the EDP. This is a better metric for low-power design. 

If the goal of the overall design is to reduce the EDP, then it is instructive to 
examine how a number of designs would compare using this metric. For this pur­
pose, we plot the EDP of several designs (a, b, c, and a) on a qualitative graph of 
energy vs. 1/delayin Figure 5.31. The lines shown in the graph have equal EDP and 
are therefore equivalent in terms of this metric. Designs that lie closer to the x-axis 

I/delay 

Figure 5.31 
Energy versus 1 /delay for four designs:a, b, c, d. 
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Example 5.9 

Delay 

FigureS.32 
Energy-delay product versus supply vo/tage. 

are better since their energy-delay product is lower. Surprisingly, for the four cases 
shown, design b is the best and design dis the worst in terms of EDP. 

Another way to view this metricis to examine the energy, delay, and EDP on the 
same normalized graph as a function of the supply voltage, Vvv· This is shown in 
Figure 5.32. As the power supply voltage decreases, delay increases, but the energy 
per operation decreases. Therefore, an optimum EDP must exist and it can be 
obtained by differentiating Equation (5.23) with respect to Vvv and setting the 
result to zero: 

iJEDP 
--=O 
iJVDD 

This optimum value can be used to set the supply voltage for a given technology. It 
is interesting to note that increasing the supply voltage beyond the optimum does 
not affect EDP very much. Therefore, higher values of Vvv are acceptable and may 
be necessary for the target performance and noise margins of the design. A decrease 
in Vvv from the optimum rapidly increases the EDP. Therefore, it is important to 
keep the supply value higher than the optimal value, and perhaps this is the best way 
to interpret the above results. 

Comparison of Two Designs 

Problem: 

Compare the chip power for two cases. In one case, a chip has 10M gates, an activ­
ity factor of 10%, V00 = 1.8 V, a clock frequency of 500 MHz and an average capac­
itance pernode of20 fF. In the second case,a chip has 50M gates,an activity factor 
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of 5%, V00 = 1.2 V,a clock frequency of 1 GHz and an average capacitance per node 
of 10 ff. Which design is better and why? 

Solution: 

Case 1: 10M gates, a= 0.1, C = 20 fF, V00 = 1.8 V, fc1k = 500 MHz ----> P = 32.4 W 

Case 2: SOM gates,a = 0.05, C = 10 fF, V00 = 1.2 VJc1, = 1 GHz-> P = 36 W 

The two power levels are about the same, so it appears that the two designs are 
about equivalent. Now compute the energy-delay product. 

Case 1:EDP =Pt~= 32.4 (2 ns)2 = 130(10-")J-s 

Case 2: EDP =Pt:= 36 (1 ns)2 = 36(10-18)1-s 

The second design has a smaller energy-delay product and therefore is superior. 

5.1 O Summary 
For a series stack with three devices, the width of a single equivalent device is 

W1WiW, \,V = ~~~~~~~~~ 
"' W1W2 + W1W3 + W3W1 

( series stack) 

For a parallel set of devices, the equivalent width with all devices turned on is 

W,q=W1 +W2 +W3 

Average propagation delay 

Dynamic and static power: 

(parallel devices) 

Pdynamk = °'o--+1 CL V]of + a,,C L V]of = aC L V]of 

P,mtic = (.l,ub + I,.) Voo 

For a standard CMOS gate, the complete power equation is given by 

p = a cviD.klk + l1"1<VDD 

For a pseudo-NMOS gate, the complete power equation is given by 

_ 2 , IvcVDD 
P - a CV DD.kik + lj.,,k Vov • 

2 

Energy-delay product: 

EDP = PDP X tp = P X tp X tp 

ONSEMI EXHIBIT 1038, Page 210



242 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

REFERENCES 
A long list of references exists for this material. Here are a few recent ones. 

I. S. M. Kang and Y. Leblebici, CMOS Digital Integrated Circuits, Analysis and Design, 3rd 
ed., McGraw-Hill, 2003. 

2. J. Rabaey, Digital Integrated Circuits: A Designer Perspective, 2nd ed., Prentice-Hall, Upper 
Saddle River, NJ, 2003. 

3. H. Veendrick, Deep-Submicron CMOS ICs, 2nd ed., Kluwer Academic Publishers, Boston, 
MA,2000. 

4. D. D. Gajski, Principles of Digital Design, Prentice-Hall, NJ, 1997. 

5. J. P. Uyemura, Clv!OS ~gic Circuit Design, Kluwer Academic Publishers, Boston, MA, 
1999. 

6. A. Bellaouar and M. E1masry, Low-Power Digital VLSI Design, Circuits and Sy~tem~ 
Kluwer Academic Publishers, Boston, MA, 1995. 

7. A. Chandrakasan, R. Brodersen. Low Power Digital CMOS Design, Kluwer Academic Pub­
lishers, Boston, MA, 1995. 

8. T. Burd and R. Brodersen~ Energy Efficient Microprocessor Design, Kluwer Academic Pub­
lishers) Boston, MA, 2002. 

PROBLEMS 
PS.I. Design static CMOS gates that have the following outputs. You may 

assume the availability of true and complement forms of each signal for 
the input. Note that you should be able to design each function as a sin­
gle gate. Device sizing is not required for this problem. 

(a) Out= ABC+ BD 

(b) Out= AB+ AC+ BC 

(c) Out= A + B + CD+ A 

P5.2. Implement the functions associated with a full adder in static CMOS 
using the fact that these are majority functions. That is, if most of the 
inputs are high, the output will be high, and if most of the inputs are 
low, the output will be low. A useful property of majority functions is 
that they are self-duals. The full adder has three inputs, A, B, and C1n, 
and two outputs, Sum and Cout· The expressions for the outputs are as 
follows: 

Gout = AB + Gn (A + B) 

Sum = C0 u1(A + B + C;0 ) + ABC;" 

PS.3. Design a static CMOS gate that performs the Boolean function F = 
(A Ell B)C +BC.You can use inverters to generate any complementary 
inputs needed. Sizing is not required here. 
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PS.4. Find the logic function for the circuit in Figure PS.4. v\1hat is the worst
case V

0H 
and V

0
i (Note: this· is a contrived circuit that would not be 

used in a real design.)

Figure PS.4 A 

PS.5. The circuits of Figure PS.5 are pseudo-NMOS and pseudo-PMOS gates. 
What function is performed by each gate? Size the transistors so that the 
pseudo-NMOS gate has V0r = 0.1 VDD and the pseudo-PMOS gate has 
V0H

= 0.9VDD· Can you suggest why pseudo-PMOS is not favorable 
{compared to pseudo-NMOS)? All transistors have a length of 2A. 

VDD

r W""2A. 

A-i B-i c---1 

- - - I 
Voo VDD Voo

A4 B4 c---cf 

Voo

I 
Figure PS.5 -
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P5.6. The circuit of Figure P5.6 is a saturated-enhancement load NMOS NOR 
gate. Calculate V0 , and V0 ,,, and the de current and power when the 
output is low. Assume that all the transistors are 2A/2A devices. Assume 
0.13 µ,m technology parameters. 

A--j 

I 
i 

FigureP5.6 

P5.7. Calculate Vs of a 2-input NOR gate when one input is switching and 
with both inputs tied together. The devices sizes are WP= 16A and Wn 
= 4,\. Then use SPICE to find the VTC when switching only input A, 
only input B, and then AB together. The results for the tw-o inputs 
switched separately vary slightly. Explain why. Use 0.18 µ,m technology 
parameters. 

P5.8. What is the minimum value of VGG in the circuit of Figure P5.8 to 
obtain V0H= V00 = l.8V? Assume 0.18µ,m technology parameters, 
with L = 200 nm. 

Figure PS.8 

P5.9. In the Figure PS.9 circuit, size the transistors so that tpm < 50 ps; V0H 

= 1.2 V and V0 L = 0.1 V. (The length of all transistors is 2A.) Ignore par­
asitic capacitances of the devices. Use 0.13 µ,m technology parameters. 
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PS.IO. Design a CMOS gate v,1hose output is Out= AB+ ABC. If the mini­
mum length of the transistors is 0.1 µ,m and the gate is connected to 75 fF 
load, calculate the width of the transistors so that t

PH
L = tprn < 50 ps. 

P5.l I. Calculate the de static power and dynamic switching power in the cir­
cuit in Figure PS.11 if the average switching frequency is kvg = 100 
MHz. V\-1hat is the combined average power due to these two compo­
nents. Use the 0.13 µ,m technology parameters with 21'. = 100 nm. 
Ignore device parasitic capacitances. 

A-j W= 60t. 
50fF 

B-j W=6011. 

c----f W=60). 

- -
Figure PS.11 

245 
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PS.12. Compute the static and dynamic power consumption of the two invert­
ers in Figure P5.I2. Use the 0.13 µ,m technology parameters with 2A = 
100 nm. 

In --j W = 20A 

Figure PS.12 

Sketch the VTC of the inverters and show on the graph in which region 
we have power due to de current, subthreshold current, and short­
circuit current. 

P5.13. In this question, the idea is to develop a simple equation for the total 
switching power for 0.18 µ,m technology that also incorporates the 
short-circuit power. To do this, use HSPICE to compa~ the amount of 
power due to CV'fversus power due to short-circuit current, I5cVDD in 
a 4X inverter driving three different load capacitances: 20 fF, 40 fF, and 
80 fF. For the same three load capacitances determine the two compo­
nents of power when input slopes are 0.01 ns, 0.1 ns, and 0.2 ns. Build a 
table ofratios between CV'f and Isc V00 as a function of capacitive load 
and input ramp. What factor a,,, would you multiply the CV'fpower by 
to incorporate the short-circuit power based on this table? (Assume that 
/=200 Mhz.) 

PS.14. For the RC circuit of Figure PS.14, determine the total energy delivered 
by the voltage source to the circuit when a step input from O to V DD is 
applied. Next compute the total energy that is stored by the capacitor. 

Figure PS.14 
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What happened to the rest of the energy that was delivered by the volt­
age source? 

PS.IS. Do you expect the overall power consumption of a synchronous digital 
system to increase or decrease when temperature increases (assume the 
clock frequency does not change)? Explain. 

PS.16. Design an SR latch in 0.13 µ,m CMOS using NAND gates to deliver a 
delay of 400 ps from Sto Qand from Rto Q.Assume that the total load 
to be driven by Q and Q is 100 fF. 

P5.I7. The voltage waveforms shown in Figure PS.17 are applied to the JK 
master-slave flip-flop illustrated in Figure 5.20. With the flip-flop ini­
tially reset, show the resulting waveform at the Q output of the master 
and slave latches. 

Figure PS.17 

CLK 

J 

K----

PS.IS. Repeat the above problem for the JK edge-triggered flip-flop shown in 
Figure 5.21. Assume the flip-flop is initially set. 

PS.19. Implement a positive-edge triggered D flip-flop with set and reset inputs 
using only NAND3 gates (i.e., no inverters). The inputs should be S, R, 
D, and CK, while the outputs are Q and Q. Number the NAND gates 1 
through 6. Then, answer the following questions: 

(a) With CK~ D = low and S = R = high, determine the output state 
of each gate (I or O). Assume the flip-flop is initially set. 

(b) Repeat part (a) after CK= high. 

247 
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7.1 Introduction 
In previous chapters, we examined the characteristics of static logic gates. Two vari­
eties of static gates were presented: conventional CMOS and pseudo-NMOS gates. 
Standard CMOS gates dissipate far less power than their pseudo-NMOS counter­
parts but require more area due to the number of complementary PMOS transis­
tors needed, and their size requirements to achieve equal rise/fall delays. Usually the 
PMOS device is twice the size of the NMOS device in a conventional CMOS 
inverter. However, the pseudo-NMOS gates require ratioed devices to set the desired 
value of V0 ,; typically, the NMOS device is four times the size of the PMOS device 
in a pseudo-NMOS inverter. Unfortunately, this produces asymmetric rise and fall 
times. If we increase the size of the PM OS device to try to equalize the delays, the 
value of V 0L increases. In order to strike a balance between conventional CMOS and 
pseudo-NMOS circuits in terms of area, timing, and power, we turn our attention 
to dynamic logic techniques. 

Earlier, we found that all nodes of a static gate have direct paths to VDD or Gnd 
So long as the power remains on, the value of the output node is held indefinitely. 

I 
i 

I I 
J l 

( (\(',.· 
',.J --/ -, _ . .' 

CHAPTER 

7 
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Dynamic gates, on the other hand, store their value on a capacitor. The storage 
nodes are often isolated from the rest of the circuit for long periods of time. There­
fore, node values may decay over time if not refreshed or updated periodically. A 
dynamic node is also more susceptible to noise events than static gates. It is in this 
sense that the name dynamic is applied-the node voltage is held somewhat pre­
cariously by the charge stored at the node. This feature renders dynamic logic less 
desirable than static circuits for most designers. However, if we are careful about 
how we design this type of circuit, it can outperform static logic circuits. For this 
reason, we explore dynamic design techniques in this chapter. 

One form of dynamic logic nses transfer gates as switches to propagate infor­
mation through the circuit. When the switches are off, their outputs are held in a 
high-impedance (or high-Z) state implying that the gate is no longer driving the 
output. In this condition, the previous value is stored as charge on the output capac­
itance. A second form of dynamic logic relies on additional clocking signals for 
proper operation. On one part of the clock cycle, all logic gate outputs are 
precharged to an initial value. On the other part of the cycle, the gates evaluate their 
correct output values. We now discuss these nvo types of dynamic logic circuits in 
detail. 

7 .2 Basic Concepts 
We begin our study of dynamic circuits by considering the pass transistor or trans­
fer gate (sometimes referred to as a pass gate or transmission gate). These devices 
will expose the advantages and limitations of using a single transistor as a switch. 
There are three basic concepts that are important to dynamic circuits. These are 
charge sharing, feedthrough, and charge leakage. 

7 .2.1 Pass Transistors 
The role of a pass transistor is to transfer an input signal, unaltered, to the output 
node when the gate is on. When the gate is turned off, the output enters the high-Z 
state and holds its previous value. This type of logic gate has an input, an output, 
and a third terminal that controls whether the device is on or off. In Figure 7.1, sin­
gle n-channel and p-channel implementations of the transfer gate are shown under 
various input conditions. The source and drain nodes serve as inputs and outputs, 
while the gate node serves as the control input. 

Figure 7.1 illustrates the signal transmission capability of each type of transfer 
gate in the on and off conditions. Figure 7.la demonstrates that then-channel device 
can successfully pass O V when its control input is at Vvv· Similarly, the PMOS 
device propagates Vvv from input to output when its control input is O V, as in Fig­
ure 7.lb. However, both NMOS and PMOS devices have problems passing the 
opposite signal level. The t,.'MOS device in Figure 7.lc has trouble passing Vvv, 
since it shuts off when the output rises to Vvv - Vm, with full accounting for body 
effect. The PMOS has a similar problem with low inputs, as shown in Figure 7.ld. 
iNhen the control input shuts the device off, the output enters the high-Z state, as in 
Figure 7 .1 e and Figure 7. lf. 
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Figure 7.1 
NMOS and PMOS pass transistor configurations. 
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The reason for difference in transmission capability of the NMOS device can be 
understood by comparing Figure 7.la and Figure 7.lc. The drain (D), gate ( G), and 
source ( S) have been identified to clarify the description. For an NMOS device, the 
drain is the higher of the two nodes. Since the MOS transistor is a symmetric device, 
the determination of the drain and source can only be carried out after the node 
voltages have been assigned. In Figure 7. le, the drain is connected to V DD since this 
is guaranteed to be the highest node. If the source node starts at O V, the device is on 
and in the saturation of operation. Current flows from drain to source to charge up 
the output capacitance and the source node voltage begins to increase. It continues 
to increase until V GS = V TN· At this point, the output voltage is VDD - VTN. In Fig­
ure 7.la, the drain and source terminals are reversed. The value of VGs is always VDn· 
As such, the device is always on and will pull the ontput node low until VDS = 0, at 
which point the output is O V. 

For the p-channel device, we can go through the same exercise for Figure 7.lb 
and Figure 7.ld. This time the definition of the drain and source are reversed such 
that the higher voltage is the source and the lower voltage is the drain. In Figure 
7.lb, the drain node begins at O V and rises as the PMOS device charges it to VDD· 
The output can reach VDD since the value of VGs is constant at - VDD implying that 
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VD/) 

111 

(a) 

(c) 

Figure 7.2 
NMOS pass gate configurations (ignoring body effect). 

(b) 

the PMOS device is always on. In Figure 7.ld, the source node begins at VDD and 
drops in voltage as the output capacitance is discharged until the value of VGs = 
IV ,.,,I. At this point, the device shuts off. Therefore, the lowest voltage that the out­
put can reach is I V Tl 

Figure 7.2 shows three n-channel pass transistor configurations to further clar­
ify the operation. Note that the two circuits of Figure 7.2a and Figure 7.2b produce 
the same output, VDD - Vm. At first glance, it would seem that Figure 7.2b with 
three series transistors would produce an output of VDD - 3 Vm, but this is incor­
rect. Each pass transistor is able to pass a value of VvD - VTN from input to output 
when the gate voltage is VDD· Figure 7.3c illustrates the actual configuration that 
would produce an output of V DD - 3 V TN· In each successive pass transistor, the gate 
voltage is VTN lower than the previous transistor. The output can only climb within 
a threshold voltage of the gate voltage before the device shuts off. Note that the more 
accurate value of the output is in fact VDD - VrNt - V rm - Vrm due to the change 
in the body effect term in each transistor. The reader should be aware that this 
example is contrived since designers should avoid using the output of a pass tran­
sistor to drive the gate of another pass transistor. 

For completeness, the p-channel equivalents for Figure 7.2 are given in Figure 
7.3. The same arguments for the n-channel configurations can be applied to the 
p-channel devices, with the corresponding changes in output voltage levels. 
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PMOS pass gate configurations (ignoring body effecc). 

7 .2.2 Capacitive Feedthrough 
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l l l J. 
(b) 

The role of the control node of a pass transistor is to place the device in the on and 
off states. As such, it is often driven by a clock signal. Ideally, this input should not 
have any direct influence on the output, except to enable or disable the transfer gate. 
However, there exists a capacitance, Cf' between the gate and output nodes that 
causes the clock signal to feed through to the output. This effect is illustrated in Fig­
ure 7.4. The control signal undergoes a voltage swing from Vvv to O V, thereby shut­
ting off the device. This places the output in the high-Z state since VGs < Vm. At 
this point, the tvm capacitors, c1and Cgnd' are isolated from the rest of the circuit. 
As the gate voltage decreases in value, the charges associated with the two capacitors 

Figure 7.4 
Clock feedthrough. 
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(a) Positive feedthrough 

Figure 7.5 
Dynamic circuit effects of capacitive feedthrough. 

(b) Negative feedthrough 

redistribute to maintain equality. This redistribution, called displacement current, 
forces the output node to drop in voltage by an amount determined by the relative 
values of Grand Cgnd· The fact that a small replica of the clock appears at the out­
put led to the terminology of clock feedthrough for this effect. The same effect would 
be observed at the drain node if it were isolated from the rest of the circuit. How­
ever, we have assumed that drain is driven by a static gate in this example. 

The capacitive effects associated with feedthrough may occur in the positive or 
negative direction. We can understand these effects by examining isolated capacitors 
in series as shown in Figure 7.5. For a series combination of two capacitors, positive 
and negative feedthrough result in noise injection at an internal node when the 
external node rises or falls. The change at the external node 1 produces a replica 
change at the internal node 2, which is a high-impedance node. 

The exact voltage change at the internal node can be determined for the ideal­
ized cases of Figure 7.5. The charges associated with the two capacitors must be the 
same at equilibrium: 

(7.1) 

Therefore, 

(7.2) 

If there is an abrupt change in voltage at node !, there is a corresponding but 
smaller change at node 2: 

(7.3) 

In Figure 7.Sa, when there is a large positive change in V,, the internal node 
voltage will change by an amount dictated by the ratio of Cr to (Cr+ Cgnal· The 
change at node 2 will be in the positive direction. This is sometimes referred to as 

ONSEMI EXHIBIT 1038, Page 223



TRANSFER GATE AND DYNAMIC LOGIC DESIGN 315 

bootstrapping.1 In Figure 7.5b, we have a negative going step at node I that pro­
duces a replica negative going step at node 2. Consider the two extreme cases of 
feedthrough. If Cf is much larger than Cgnd> then I:,. V, approaches I:,. V1• On the other 
hand, if C;;nd is much greater than Cf then AV, approaches 0. For the pass transis­
tor, the value of c1 is determined by CGs while Cgnd is determined by the junction 
capacitance, CBs• plus the loading capacitance of the next gate. To reduce the 
feedthrough effect, we should ensure that Cgnd >> c1. 

v, Drop and Clock Feedthrough Effects 

Problem: 

In the circuit below with the input at 1.2 V, what is the initial value of the output 
when the clock is at 1.2 V. Estimate the final value after the clock goes low. Repeat 
the problem for the case when the input is O V.Assume that the device is 4,V2A in 
0.13 µ,m technology. 

Solution: 

Initially, the output will be a threshold voltage below 1.2 V: 

v,"' = Voo - v,,, = 1.2 - (0.4 + 0.2(Y0.88 + Vout - Yo.88)) 

:. V,"' = 0.73 V 

When the clock switches from high to low, the feedthrough effects will act to 
reduce the value at the output: 

Ct(1.2) 
V,"' = 0.73 - LiV = 0.73 - C c, + gnd 

In this example, c, is due to the overlap capacitance since the transistor is in the 
cutoff region. Therefore, 

c, = C01 = Co1W = ( 0.25 fF / µ,m) X 0.2 µ,m = 0.05 fF 

1 Bootstrapping is usually associated with increasing a node voltage above V DD using active devices. We use the 
term here more generally to refer to any increase in the voltage due to series capacitor effects. 

Example7.1 
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The value of Cgnd is due to the junction capacitance. Therefore, 

c,,d = eel! x w = 1 fF/ pcm x 0.2 pcm = 0.2 fF 

The resulting value of V
0

u, is 

c,(1.2) 0.05(1.2) 
V=, = 0.73 - . = 0.73 - = 0;73 - 0.24 = 0.5 V c, .,. c,00 o.os + 0.2 

For this particular case, the clock feedthrough effect is significant even though we 
are only considering the overlap capacitance. The resulting voltage is below typical 
switching thresholds and this would be a problem. In a realistic situation, there is 
always additional grounded capacitance at the output due to the fanout gates.This 
would greatly reduce the degree of clock feedthrough. 

When the input is O V, the output is O V. However, in this case, the device is in 
the linear region of operation. Therefore, 

c, = 1/2 C9W + C,1W = (1/2)(2 fF/ pcm)(0.2 pcm) + (0.25fF/pcm}(0.2 J.tm) 

= 0.25 fF 

c,(1.2) 0.25(1.2) 
Vout = 0 - = 0 - ----

c, + c,,d 0.2s + 0.2 
0 - 0.67 = -0.67 V 

In this case, the voltage drop is substantially more than the first case since the 
device is in the linear region. However, the device does not shut off until V GS< VTN. 
Therefore, this result ts not as accurate as the previous case, but also not as impor­
tant. The feedthrough equation is intended for use at high-Z nodes only. 

7 .2.3 Charge Sharing 
Another important issue in dynamic circuits is charge sharing which tends to 
reduce the voltage levels even further. This phenomenon occurs when two isolated 
nodes with different voltage levels are suddenly connected together when a pass 
transistor turns on, as shown in Figure 7.6. The key requirement is that the two 
nodes are in the high-impedance state and store different voltages. vVhen the switch 
turns on, the charge redistributes until the voltage levels at the two nodes are equal. 
This reduces the voltage at one node while increasing the voltage at the other. If the 
voltage is reduced at an output node, it is of concern to us. We can analyze charge 
sharing by examining the total charge before and after the charge-sharing event. 

In Figure 7.6a, the total charge in the closed system is 

(7.4) 

When the gate node is switched from O toVDD, as in Figure 7.6b, the transistor turns 
on and a charge transfer occurs between the two nodes until an equilibrium voltage 
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Figure 7.6 
Dynamic charge sharing. 
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is reached. At equilibrium, the total charge in the system remains constant. If V* is 
the final voltage after charge exchange is completed, the total charge is given by 

Q.,.,1 = (C, + C2 )V* 

Combining (7.4) and (7.5), we obtain 

V*= (C 1V, + C2 V2) 

c, + c, 

(7.5) 

(7.6) 

As an illustration of charge sharing, assume that V1 = 0 and V2 = VDD - Vrin Fig­
ure 7.6a. After the transistor turns on, the voltage at v; will drop in value and the 
voltage at V1 will increase. Equation (7.6) specifies the final voltage on the two 
nodes. If V2 drops below the switching threshold of the next gate, it will trigger the 
gate to produce an incorrect output. This is a serious consequence of charge shar­
ing. To reduce charge sharing in this case, C, should be made much larger than C1• 

There are additional techniques that can be employed to reduce the effects of charge 
sharing that will be described later in this chapter. 

Equation (7.6) should be used carefully in conjunction with Figure 7.6 since it 
is only valid if V* does not exceed VDD - VTN. If the computed voltage goes beyond 
this value, then v; should be set to this value and then V2 re-calculated with the 
remaining charge, O.o1aI - C1 (VDD - VTN). In this case, v; 'F V2 after charge sharing. 

Charge Sharing Example 

Problem: 

In Figure 7.6a, compute the charge-sharing effects for the following cases assum­
ing 0.13 ,..m technology parameters: 

(a) C1 = 100 fF, C2 = 20 ff, V1 = 0, V2 = 1.2 V 

(b) C1 = 20 ff, C2 = 20 fF, V1 = 0, V2 = 1.2 V 

(c) C1 = 20 ff, C2 = 100 ff, V1 = 0, V2 = 1.2 V 

Example7.2 
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Solution: 

(c,v, + c,v,) 
(a) v· = ~~-~~ c, + c, 

(c,v, + c,v,) 
(bl v• c, + c, 

(c,v, + c,v,) 
(c) v· = ~~-~~ c, + c, 

(100 fF X O + 20 fF X 1.2) 
~-------~=02V 

(20 fF + 100 fF) . 

(20 fF XO+ 20fF X 1.2) 
= 06V 

(20 fF + 20 fF) . 

(20 fF X O + 100 fF X 1.2) 
~--------~=10V 

(20 fF + 100 fF) . 

This last solution is not possible since the voltage of node V1 cannot rise above V00 

- Vrr,. Ignoring body effect, the maximum voltage at node V, is 0.8 V. The total 
charge in the system is 120 fC. Node V1 requires 0.8 X 20 fF = 16 fC of charge. That 
leaves 120 - 16 = 104 fC of charge on node V2• This implies that the voltage at 
node V2 = 104 fC/100 fF = 1.04 V. 

7 .2.4 Other Sources of Charge Loss 

When a pass transistor shuts off, the output node enters a high-Z state and retains 
the value of the node as charge on a capacitance. Unfortunately, the charge tends to 
leak away over time unless the value is updated or refreshed periodically. If a high 
value is stored, there are two possible sources of charge leakage. One source is 
reverse-bias leakage current from the drain junction. This current is rather small as 
it depends on the area of the junction which continues to shrink as technology 
scales. Of greater concern is the subthreshold current as described in Chapter 2. 

A second source of charge loss is noise injection from neighboring wires. For 
example, if a wire is routed too closely to a dynamic node, capacitive coupling 
between the wire and the node could result in noise injection during switching 
events. The mechanism is similar in nature to feedthrough and bootstrapping. This 
form of noise injection can have serious consequences and must be considered care­
fully when designing dynamic circuits. Coupling noise is the subject of Chapter 10 
on interconnect. 

Another problem is associated with a-particles which are also responsible for 
data loss in memory circuits. These are high-energy particles that may be present in 
device packaging materials, such as solder bumps, or due to cosmic rays arriving 
from space. Particles of this nature can enter the silicon substrate and generate hole­
electron pairs that act to discharge the output. This occurs over a very short amount 
of time and leads to unexpected functional failures in the circuit. The detailed 
mechanisms are beyond the scope of this book, but the importance of a-particles as 
a leading cause of so-called soft errors in both dynamic and static circuits should be 
recognized. 

7.3 CMOS Transmission Gate Logic ( 

In the previous section, we observed the limitations of using either a single NMOS 
or a single PMOS device as a transfer gate. Each one is capable of transmitting one 
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Figure 7.7 
CMOS transmission gate and :ogic symbol. 

of the levels accurately but neither device is capable of transmitting both high and 
low voltages properly, as evidenced by Figure 7.1. A natural improvement can be 
constructed by placing an NMOS device in parallel with a PMOS device to create a 
CMOS transmission gate, as shown in Figure 7.7. The two devices in combination 
can fully transmit any signal value between Vvv and Gnd. The cost of this feature is 
not only an extra transistor, but also an extra inverter since each transistor requires 
a complementary control input. Therefore, a total of four transistors are necessary 
for the CMOS version. The corresponding symbol for the transmission gate is also 
shown in Figure 7.7. 

To understand the transmission capability of the CMOS transfer gate, consider 
the two cases shown in Figure 7.8. The two transistors have been separated out to 
clearly identify their role in transmitting O V or Vnn· In Figure 7.8a, a O V signal is 
being transmitted through both devices with an initial output of Vvn· The NMOS 
device has VGs = Vvv for the entire duration of the transition of the output from 
Vvv to O V. Therefore, it can pull the output to O V by itself. The PMOS device can 
only pull the output to I VT~ since it shuts off at that point. Note the positions of the 
gate and source terminals. The V GS value of the PMOS device decreases in magnitude 

VDD 

Gj_ 
~ov 
1In Out 1 

' ' I I 
OV 1 1 VoD-OV ----: :----

' ' ' I 
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Figure 7.8 
Transmitting low and high signals. 
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as the output falls from VDD to O V, and it gets progressively weaker. In fact, the 
NMOS device pulls the output from IVr.! to O V after the PMOS device shuts off 
completely. 

The roles of the two devices are reversed in Figure 7.8b, where the transmission 
gate is attempting to pass an input of Vnn to the output with an initial condition of 
0 V. In this case, the NMOS device becomes progressively weaker as the output 
increases since its Vas value is decreasing. The PMOS device has a V GS value that is 
constant at - VDD· Therefore, it remains on during the entire output transition. 
When the output reaches VDD - VTN, the NMOS device shuts off and the PMOS 
device pulls the output the rest of the way to VDD· By examining these two cases, it is 
clear that the weakness of one device is overcome by the strength of the other device, 
whether the output is transmitting a high or low value. This is a clear advantage of 
the CMOS transfer gate over the single transistor counterpart. 

Another advantage of the CMOS transfer gate is that the degree of capacitive 
feedthrough is reduced. This is because it is clocked with the true and complement 
values of the enable signal. Referring to Figure 7.7, when the signal Cfalls, there may 
be feedthrough at node B, but it would be canceled by the transition to a high volt­
age at C. If the target voltage of Bis low, feedthrough due to C would only make it 
lower. So this case is not a problem. If the intended voltage at B was high, then 
feedthrough would normally make the voltage lower. But since the p-channel device 
remains on for slightly longer than the n-channel device, it is able to pull the output 
back to VDD. 

7 .3.1 Multiplexers Using CMOS Transfer Gates 

CMOS transmission gate logic can be used to reduce the number of transistors 
needed to implement certain logic functions. They can be used in a variety of situ­
ations, but the most popular is in the role of a multiplexer as shown in Figure 7.9. 
The control signal S turns the transfer gates on and off depending on its value. 
Specifically, when S = 1, the upper transfer gate is on and that allows A to flow to 
the output. When S = 0, the lower transfer gate is on, and that allows B to flow from 
input to output. Therefore, the function of this configuration is F = AS + BS. This 

F=AS+BS 

Figure 7.9 
Multiplexer configuration. 
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XOR and XNOR gates using CMOS transmission gates. 
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F=AB+AB 

(b) XNOR gate 

is a multiplexer where~one of two input signals is selected based on the value of a 
control signal. 

Assuming that certain rules are followed, it is a simple matter to construct other 
useful circuits using the multiplexer of Figure 7.9. By specifying the inputs and con­
trol signals in a particular pattern, we can construct XOR and XNOR gates as shown 
in Figure 7.10. A static CMOS gate version would require 16 transistors whereas the 
transfer gate version requires only 8 transistors (including all necessary inverters). 

Another example is shown in Figure 7.11. Here, two multiplexer configurations 
that select one-of-four inputs are shown. In Figure 7.lla, a tvm-level strategy is 
used, while in Figure 7.llb a single-level is used. The two-level approach requires 

sO sO 

(a) 

Figure 7.11 

sl sl 
sA sB sC sD 

sA sB :sCI sD 

OUT 

(bl 

Two-level and single-level multiplexer configurations. 
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Figure 7.12 
Improper conditions for multiplexer style logic. 
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only two control signals, sO and sl, and their complements. The single-level approach 
looks more attractive but requires four control signals, sA, sB, sC, and sD, and their 
complements. There are more inverters required and more significant signal routing 
issues in this case. We will study the speed of the two approaches in a later section. 

For this type of MUX function to work properly, the control and data inputs 
must be carefully specified. First, the data inputs to the multiplexer must all be valid, 
and second, the control signals must turn on only one path at a time. If these rules 
are not followed, conflicts or charge sharing may occur and corrupt the value at the 
output. For example, if there are multiple paths to the output, as in Figure 7.12a, a 
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Figure 7.13 
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(a) 

F=A+B 

OR and AND functions using CMOS transrr.ission gates. 

B A 

(b) 

conflict would arise at the output if A and D had different values. If there is no path 
to the output due to off devices in all paths, the output will assume a high-imped­
ance state as in Figure 7.12b. If intermediate gates are on, as in Figure 7.12c, then an 
unknown may result at the output (possibly due to charge sharing). 

To build general logic functions using transmission gates, the first step is to 
select the control signals and build a truth table for all the possible combinations. 
Then, the truth table is converted to a multiplexer-style design by creating a signal 
path in the circuit for each row of the truth table. Next, the desired output values 
specified in the truth table are routed from the data inputs to the output. Any 
needed OR and AND operations can be realized using parallel and series transmis­
sion gates as shown in Figure 7.13. Finally, optimization of the design may be car­
ried out to combine paths or remove unnecessary transistors. 

Implement the function F =AB+ ABC+ AC using transmission gates. 

Solution: 

Identify A and Bas control signals and build a truth table. 

A B F 
-

0 0 C 

0 I C 

1 0 C 

I I I 

Example 7.3 
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This truth table can be directly implemented as shown below using fas data 
input. 

B 

F = (AB + ABC) + (AC) 

"ii 

The first two lines of the truth table are associated with the lower part of the 
multiplexer. They can be combined to simplify the implementation. In addition, the 
transfer gate connected to V00 does not need an n-channel device since it is only 
passing a high value. With these two optimizations, the following circuit results: 

A 

F =(AB+ ABC)+ (AC) 

if 

CMOS transmission gates can also be used with combinational blocks to imple­
ment certain functions efficiently. The first circuit in Figure 7.14 is a six-transistor 
XOR gate. The second circuit simply illustrates the use of transmission gate logic with 
standard CMOS logic to implement a complex function. In order to quickly extract 
the function Ffrom the given circuit, follow the NMOS side of the transmission gates. 
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F=AB+AB F=(AB+ABC)•(AC) 

B NAND 
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A 

Figure 7.14 
Transmission gates and standarC gate combina::ions. 
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In this case, the NAND operation is being performed on the two inputs. One input is 
AC, while the other input is AB + ABC. The resulting function F is the NAND of 
these two terms as shown in the diagram. 

Describe the operation of the XOR gate of Figure 7.14. Discuss its advantages and 
disadvantages relative to other XOR circuits considered so far in this textbook. 

7 .3.2 CMOS Transmission Gate Delays 

In order to evaluate the timing performance of circuits containing transmission 
gates, an RC model of these gates must be developed. The model for a CMOS trans­
fer gate (TG) consists of an on-resistance, Rn;, and two capacitances, C1 and C,, as 
shown in Figure 7.15. The on-resistance of the transfer gate is a parallel combina­
tion of the on-resistances of the NNIOS and PMOS devices. The value of the resis­
tances will depend on whether a O or a 1 is being propagated through the gate. The 

C 

1 
A-0-B 

T 
c 

Figure 7.15 
RC model for CMOS transmission gate. 

Exercise 7.1 
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resulting RC model must be combined with the RC models for the driver and load 
of the transfer gate. It should be noted here that transmission gates do not, by them­
selves, have any drive capability. Their role is to transmit signals from input to out­
put under gate control. Some type of gate must be connected at the input as the 
driver for the signal in all circuits that use transfer gates. 

A detailed analysis of the on-resistance can be performed by considering the 
two cases shown previously in Figure 7.8. The large-signal resistance can be com­
puted using the equation: 

Vvs R, =-
n IDs 

If we return to Figure 7.8a, the input is O V and the output undergoes a transi­
tion from Vvv to O V. The NMOS device begins in saturation and then switches 
to the linear region as the output voltage drops to O V. When in saturation, the 
on-resistance is 

Yout 
RN=-­

IDsat,n 

When the device switches to the linear region, the on-resistance is 

Yout 
RN=--

IDiin,n 

The PMOS device is biased in the saturation region until the output reaches IVrPi­
At this point, it enters cutoff and the resistance increases to infinity. In the satura­
tion region, the resistance is given by 

R 
_ Yout 

p-
I,,,,,,p 

The on-resistances for unit size NMOS and PMOS devices, and their parallel com­
bination are plotted in Figure 7.16a. Note that the resistance of the PM OS.device 
increases dramatically as the output voltage switches from Vvv to IVrpl, while the 
NMOS resistance drops linearly over the same range. However, the parallel combi­
nation of the two resistances is relatively constant. It is convenient to model this 
resistance by a constant value based on the average during the transition. 

The same analysis can be carried out for the second case in Figure 7 .Sb where 
the input is Vvv and the output transitions from O V to VDD. The PMOS device 
begins in saturation and then switches to the linear region as the output voltage 
rises to VDD· vVhen in saturation> the on-resistance is 

VDD - Yout 
Rp= 

I""'·P 

When the device switches to the linear region, the on-resistance is 

IDlm.p 
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0 0 

Figure 7.16 
NMOS and PMOS on-resistances for falling and rising cases. 

The NMOS device stays in the saturation region until the output reaches Vvn -
V m· At this point, it enters cutoff and the resistance increases to infinity. In the sat­
uration region, the resistance is given by 

The on-resistance for unit size NMOS and PMOS devices, and their parallel com­
bination for the second case is shown in Figure 7.16b. Here, the resistance of the 
NMOS device increases to infinity as the output voltage approaches VDD - V w, 
while the PMOS resistance decreases linearly over the same interval. Again, the par­
allel combination of the two resistances is relatively constant and of similar magni­
tude as the falling case. 

A simplified analysis can be carried out to estimate the on-resistance of the 
combined devices for the rising and falling cases. If we are propagating Vvv, the 
PMOS device behaves as a regular pullup with an on-resistance of approximately 
R"IP = 30 kil/D. For a unit size device, the resistance is 30 kD. On the other hand, 
then-channel device is trying to pass a high value and its on-resistance will increase 
as its source node voltage approaches V DD· Since the NMOS device is shutting off, 
the resistance will eventually reach infinity. The average on-resistance will be 
roughly double its nominal value of R,qn = 12.5 kil/D. For a unit device, this value 
is 25 kil. The parallel combination of the two devices produces a value that is close 
to the NMOS on resistance: 

RTG = RN//Rp = 2R,q,//R,qp = 2R,qn//2.4R,qn = l.lR.,n = R.,, 

Now consider the case when we are propagating O V through the transmission gate. 
In this case, the n-channel device is on and has a resistance of R,qn• The p-channel 
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Figure 7.17 
Transfer gate capacitances in OFF and ON states. 

device is initially on and then begins to shut off as the voltage drops to O V. There­
fore, its resistance is roughly 2R,qp, which is about five times R,q"· The parallel com­
bination of the two values produces 

In effect, the on-resistance of the CMOS transfer gate is approximately R"l" regard­
less of the rising or falling conditions. Therefore, we will use this value for all resis­
tance calculations with suitable adjustment for different WI L values: 

(7.7) 

We now turn our attention to the capacitance calculation. The transfer gate capac­
itance can be determined by examining the capacitances at the input and output for 
the on and off cases. When the transfer gate is off, as in Figure 7.17a, the CG5and CGD 

capacitances for both devices are zero, except for the overlap capacitances (not 
shown). In this condition, the input and output capacitances are due to the junction 
capacitances of the n-channel and p-channel devices. 

Using C,ff' the input and output capacitances are 

(7.8) 

Since the two devices are the same size this simplifies to 

(7.9) 

Next, consider a transfer gate in the on state, as shown in Figure 7.17b. Here the 
devices are assumed to be in the linear region ( which is true for some part of the 
transition for both devices). Therefore, the input and output nodes see half the gate 
capacitance from each device along with the junction capacitances (and overlap 
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CLK 

(a) 

(b) 

(c) 

Figure 7.18 
Transmission gate with driver and !oad. 

capacitances). The total input and output capacitances are equal and can be com­
puted as 

(7.10) 

Note that both devices are the same size so this can be simplified to 

(7.11) 

With the complete RC model defined as above, it is now possible to compute the 
path delay of circuits containing transmission gates. However, accurate delay calcu­
lation must involve the characteristics of the driver and load of the transmission 
gate. This is illustrated in Figure 7.18a where an inverter is driving the transmission 
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Example7.4 

gate which is loaded by a second inverter. To compute the delay accurately, the RC 
model shown in Figure 7 .I8b is required. Here the inverter RC model is oonnected 
at the input of the transfer gate and the load capacitance is oonnected at the output 
of the transfer gate. The resulting circuit is an RC ladder. 

The Elmore delay equations for RC ladders and RC trees are described in Chap­
ter 10. For the purposes of our analysis here, we simply use the results derived in 
that chapter. Specifically, the delay of the two-stage RC ladder of Figure 7.18c using 
the Elmore delay equation is 

tmmore = R1C1 + (R 1 + R2)C2 

Therefore, for the RC network of Figure 7.18b, we would compute the delay as 

tmmore = R,nv( c,nv + CTm) + (R;,v + RTG) ( CTG2 + Clow) 

For the two multiplexers in Figure 7.11, which one is faster, assuming that there 
exists a path from input to output? Assume that a 1X inverter drives each input and 
the fanout of the multiplexer is f times the 1 X inverter. 

Solution: 

In order to compute the delays, we need to make use of the Elmore delay calcula­
tion. For a three-stage RC ladder, the delay has the form 

te1m~, = R1C1 + (R1 + R2)C2 + (R1 + R2 + R3 )C3 

Using this formulation, we can derive the RC circuits and delays for the two cases 
as follows: 

0 

MUXl: 

I 0 

sO sl 

-1 
' I OUT 
I 
!._ __ _ ___ ..,. 

f 

ti= R1nvC1 + (Rin.v + Rrn)C2 + (R1nv+ 2RTG)C3 

C1 = 3CeffW + C6W + 2CeffW Rinv = R 

C2=C8Wx2+2CcffWx3 RTG=R 

C3 =2CegWX 2 + C8W + 3fC8W 

11 =R(29Ceff + SC, +9ft:,)IV 
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MUX2: 

0110 010 

I 
lX 
--------- l 

' -t-1- _Q~---, 
' ' ' ' ' OFF J 

f 

OFF 

' '----• 

OL'T 
l2 = RinvC4 + (Rinv + RTG)Cs 

C4 = 3Ce.9W+ 2CeffW + C8W 

C5 =2CeifWx4+CgW+3fC8W RTG=R 

t1 =R(21Celf+ 3Cg + 6/C,;)W 

Comparing the two cases, MUX1 is slower than MUX2. If we have too many transfer 
gates without any buffering, the delay increases very quickly. Also, we will eventu­
ally drive a large load, and transfer gates do not have the needed driving capabil­
ity. However, MUX2 requires more routing resources than MUXl. 

7.3.3 Logical Effort with CMOS Transmission Gates 

We now address the topic of logical effort (LE) and its application to CMOS trans­
mission gates. Consider the circuit of Figure 7.19 with a minimum size transmis­
sion gate. This is another type of tristate driver which performs a similar function 
to the tristate inverter seen in Section 4.9 of Chapter 4. Here, we have three inputs: 
A, sel, and sel. Since both sel and sel are related, we can compute the LE for the sel 

Figure 7.19 

LE input A = 3 W(2R) = 2 
3WR 

OUT 

Logical effort computation for transmission gates. 

R 

R 

LE input set= W(2R) = 2/3 
3WR 

331 
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Example7.5 

Figure 7.20 

LE input A= 3W(4Rt3) = 4/3 
3WR 

LE computation wlth a 3X transmission gate. 

OUT 

R 

R/3 

LE. t /- 3W/4R/3) _ 413 mpu se - 3WR -

and A inputs. For input A, we apply the ratio of T gatel,,nv as prescribed by the LE 
method. This involves the product of e,. with R,ff as described in Chapter 6. The 
expression for e,. is 3 we, for the inverter. Reff is 2R, given that the inverter and TG 
each have a resistance of R Therefore, LEA= 2. For input se/, the input capacitance 
is we, and the total path resistance is 2R (including the inverter). Therefore, LE"1 

= 2/3. 
If we increase the size of the transmission gate to three times the minimum size, 

we see from Figure 7.20 that the LE of the A input decreases while the LE for the sel 
input increases. This makes sense intuitively since input A experiences a smaller 
output resistance without any change in its input capacitance, while input sel expe­
riences an increase of three times its input capacitance but not a reduction of three 
times its output resistance. 

Logical Effort for NAND Driving CMOS TG 

Problem: 

For the two designs shown below,compute the logical effort for input A and input se/. 

A -+---_.L_-

l 

w 
w 

4W 

4W 
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Solution: 

4W(2R) 
LE input A = 

3
W R = 8/3 

4W(5R/4) 
LE input A = 

3
W R = 5/3 

W(2R) 
LE input se/ = 

3
W R = 2/3 

4W{5R/4) 
LE input se/ = 

3
W R = 5/3 

7.4 Dynamic D-Latches and D Flip-Flops 
The operation and design considerations oflatches and flip-flops were described in 
Chapter 5. The D flip-flop and D-latch are perhaps the most widely used circuits in 
CMOS design. In this section, we describe design improvements associated with 
these types of sequential elements when implemented with transfer gates. The 
major advantage in using transfer gates is that the circuits require many fewer tran­
sistors than the configurations shown in Chapter 5. 

We begin with the simplest possible D-latch, shown in Figure 7.21a. Surpris­
ingly, a single NMOS pass transistor functions as a D-latch. It is transparent since 
the value of D is propagated to Q while CLK is high. When the dock transitions 
from high to low, the last value is stored on the capacitor C2• However, there are a 
number of obvious problems with this circuit based on material presented earlier in 

(a) 

CLK 

J_ 
D 

-!- T 
CLK 

(c) 

Figure 7.21 
Progression of simple D-latches. 

CLK 

J_ 
TO-rQ 
J T J 

Q 

J 

CLK 

(b) 

Q 
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Driver 

D Q 

TG!T 
CLK 

Figure 7.22 
0/,0S D-latch usiog transfer ga,es. 

INV! INV2 
Q 

CLK 

J_ 

TTG2 
CLK 

this chapter. First, the voltage at the output can only rise to Vvv - VT. Second, there 
is dock feedthrough at Q when the clock goes low. The level of feedthrough is given 
by Equation (7.3). Third, there is no Q output available. Finally, and perhaps most 
importantly, the output is in a high-Z state after the dock goes low so it is suscepti­
ble to all of the charge loss mechanisms. 

Most of these problems can easily be resolved. The circuit of Figure 7.21b is a 
CMOS transmission gate (TG) that resolves the Vy drop and clock feedthrough 
issues, as we know by now. The generation of Q is simply a matter of adding an 
inverter as shown in Figure 7.21c. While this "improved" D-latch will work as 
required, its reliability is still questionable due to the dynamic storage at node Q. 

To solve this problem, we need a feedback loop to statically hold the value when 
the latch is off. This is illustrated in Figure 7.22. Here, we added another inverter to 
generate O.ut (since we cannot drive a load from the internal node Q), and intro­
duced another CMOS TG to connect back to the initially generated Q. Note that the 
clock on the new TG is reversed with respect to the first TG. With this clocking 
scheme, TGl is on when we are in transparent mode, while TG2 is on when we are 
in hold mode. When the latch is in hold mode, TG2 acts to recirculate Q back to the 
input of the first inverter, which takes advantage of the regenerative nature of the 
inverters. When the circuit is in transparent mode, TG2 is off and the value of D 
passes through to O.ut after a delay of TG I and two inverters. 

·while this circuit removes the problem of dynamic storage, it introduces 
another small problem. \Nhen the CLK signal goes high, we note that there is a delay 
before CLK goes low. In that situation, the n-channel device of TG2 is still on. If Dis 
different from the previously stored Q, then there will be a conflict at node Q for a 
short duration. TGI is attempting to apply a new value at Qwhile TG2 is recirculat­
ing the old value through the loop. The problem can be resolved with proper sizing 
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CLK 

Q 

Figure 7.23 
Typical D-latch implemer.tation in CMOS. 

of the INV2, TG2, TGl, and the gate that is driving D. The basic idea is to ensure that 
the forward path is "stronger" than the feedback path. Therefore, the driver and TGl 
must be large enough such that the devices driving the forward path can swing the 
voltage at Q past the switching threshold Vs when competing with INV2 and TG2. If 
they are not sized properly, the old value will remain latched until TG2 turns off. 

A more popular version of the D-latch is shown in Figure 7.23. This circuit 
employs the same principles as the one shown in Figure 7.22 but avoids any con­
flicts at internal nodes. The operation of this latch is as follows. When the CLK is 
high, the latch operates in transparent mode. Any changes at the input D are 
reflected at the output after a delay of TG + 2 INV If the input data is high, then 
the value of Q is low. Therefore, M 1 is on and M 4 is off. \¥hen CLK goes low, then 
M2 is turned on while M3 is turned off. The internal node Xis pulled high through 
M 1 and M2• Note that there is no conflict situation in this circuit, and node Xis not 
a dynamic node. A similar analysis can be done with a low input data. This time M3 
and M4 would act to pull the internal node low after the clock goes low. Again, there 
are no conflicts in this configuration. 

The circuit for a master-slave D flip-flop can be constructed from two D-latches, 
as shown in Figure 7.24. The flip-flop is simply a cascade of two D-latches. The con­
nection of the clock signals to the master and slave are important to note. The posi­
tive edge of the clock shuts off the first latch and enables the second latch. The oper­
ation of the flip-flop is as follows: when the dock is low, the first latch is transparent, 
while the second latch is disabled. The data will flow up to TG2, but no further since 
TG 1 is on and TG2 is off. When CLK goes high, TG 1 shuts off and holds D at the 
internal node Q. Either the pull-up or pull-down path for the internal Q is enabled 
depending on the data value. Meanwhile, TG2 turns on and allows Q to flow to the 
outputs. Since Dis only transmitted to the output on the rising edge of CLK, this is 
a positive edge-triggered flip-flop. 
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v,w 

CLK 

Q 

Q 

Figure 7.24 
Positive edge-triggered D-type flip-flop. 

7 .s Domino Logic 
We have already seen the numerous difficulties that may arise with dynamic logic: 
charge sharing, feedthrough, charge leakage, single-event upsets, etc. These problems 
have limited the use of dynamic logic in industry. Furthermore, the CAD tool sup­
port needed to verify these types of designs are not readily available. Nevertheless, it 
is worthwhile to understand this approach for two reasons. First, static gates require 
numerous PMOS devices with relatively large sizes. Trying to implement a high fanin 
gate (i.e., a gate with more than four inputs) is difficult because either the N-oo_mplex 
or P-complex will require a large series stack. Pseudo-NM OS gates help to reduce the 
high fanin problem at the expense of static power when the output is low. The 
dynamic approach allows us to design circuits that are faster than static gates, with 
lower power than pseudo-NMOS, so they are worth exploring. We limit the treat­
ment here to the most prominent dynamic configurations used in industry. 

The structure of a dynamic logic gate can be derived from a static logic gate, as 
shown in the diagram of Figure 7.25. The conversion from static CMOS to pseudo­
NMOS is straightforward, as shown in the first and second diagrams. We know that 
the second gate suffers from excessive power dissipation when the output is low. We 
need a way of shutting off the PMOS device when the output is low so as to reduce 
the power. What if we turned on the PMOS device to precharge the output to a high 
value, and then shut off the PMOS device during the period when the output would 
go low? For this purpose, we could introduce a new dock signal, <I> p,,c1,,~, to turn 
the PMOS device on and off as needed. However, if we tried to charge up the output 
using the clocked PMOS device while a path to Gnd existed through the NMOS 
devices, we would have contention between the pull-up and pull-down paths. 
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OUT OUT 

A ----l -
CMOS Psuedo-NMOS Dynamic Single 

clock dynamic 

Figure 7.25 
Evolution from static gate to dynamic gate. 

Therefore, we must add another NMOS transistor, called a foot transistor or evalu­
ation transistor, in the pull-down path. This transistor is tnmed on only after the 
PMOS load is shut off using another clock signal, <P evalu,w 

The configuration described above is depicted in the third circuit of Figure 7.25 
where <P preclw,g, is used to turn on the p-channel device and pull the output high 
(precharge phase), while <Pov'1uat, is used to turn on then-channel device to poten­
tiallypull the output node low ( evaluation phase). The precharge signal is active low 
since it is connected to the PMOS device. The evaluate signal is active high since it 
turns on the NMOS device. Since the precharge and evaluate clocks are in phase, we 
can simply use one signal called CLK to drive the precharge and foot transistors. 
This is shown in the fourth circuit for the dynamic 2-input NANO gate. 

The operation of the 2-input dynamic NAJ.'lD gate is as follows. Initially, the 
precharged signal goes low and the output is precharged high. It is as if we are pos­
tulating a "l" at the output of all nodes during this phase. The precharge phase is 
intended to be a small portion of the clock cycle. Then, the CLK goes high and we 
enter the evaluation phase when the dynamic gates either remain high or are pulled 
low. For this NANO gate, if both A and Bare high, then a path exists to Gnd. Other­
wise, the output remains high and we preserve the value on the capacitance at the 
output node. This charge storage at the output node makes it a dynamic gate. 

Dynamic Gate Implementations 

Problem: 

Implement a 3-input NOR gate in dynamic logic and explain its operation. Size the 
transistors to deliver the same delays as a conventional CMOS inverter (PMOS 
8A:2A, NMOS 4A:2A). 

Example 7.6 
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Solution: 

The dynamic 3-input NOR gate requires three parallel NMOS transistors, plus two 
transistors connected to theCLK input:one PMOS pull-up and one NMOS foot tran­
sistor. When CLK is low, the precharge transistor pulls the output to V00• When the 
clock goes high, the evaluate transistor turns on. If A or B or Cis high, the output will 
be discharged to Gnd. If all three inputs are low, the output will remain high. 

The pull-up requires a width of 8,\ to deliver the same rise delay as the CMOS 
inverter. This is somewhat irrelevant since all gates are precharged simultaneously. 
The pull-down tree should also be sized with 8,\ transistors to produce the equiva­
lent 4,\ device to deliver the same fall delay as the CMOS inverter.The final sizes are 
shown below: 

CLK 

In reality, the CLK signal arrives first so A. 8, and C can be considered as late 
arriving signals. In that case, the transistors can be reduced to half the size to 
deliver the same delay as the inverter. 

Most logic functions can be implemented as dynamic circuits using the struc­
ture shown in Figure 7.26. The desired function is implemented in the NMOS com­
plex. Transistors Mp and AfN are the precharge and evaluate transistors, respectively. 
The foot transistor is the only extra device relative to pseudo-NMOS gates. Note 
that all dynamic gates require a clock signal for proper operation. Furthermore, the 
clock must be routed to all dynamic gates, as opposed to static gates which do not 
require a clock. This places an additional burden on the physical layout tools. 

There is a notable complication when one dynamic gate feeds another, as 
shown in Figure 7.27a. Since all output nodes are prechargedhigh, all inputs to sub­
sequent gates are high, implying that there will be an active path to Gnd from each 
output node as soon as the foot transistor is turned on. Once an output node has 
been discharged, it cannot go high until the next precharge phase. Therefore, a 
direct connection is not suitable. 

A simple solution exists for this problem: add a static inverter to the output of 
all dynamic gates. Then define a "stage" as the dynamic gate plus the inverter. The 
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CLK 

Figure 7.26 

NMOS 
complex 

General structure of a dynamic gate. 

CLK CLK 

-I 
-I 

(a) Direct connection not possible 

CLK CLK 

-I 

-I 

OUT 

1st stage 2nd stage 

(b) Insert inverter between dynamic gates 

Figure7.27 
Connecting dynamic gates. 
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NMOS NMOS NMOS 

Figure 7.28 
Domino cascaded gates. 

output of each stage is now low during precharge. Therefore, all NMOS transistors 
are off during precharge and can only be turned on during the evaluate phase as 
shown in Figure 7.27b. The combination of a dynamic stage and an inverter is 
referred to as a domino stage, and circuits using this form of dynamic logic are 
referred to as domino logic circuits. 

A cascade of three domino logic stages is shown in Figure 7.28. All three stages 
are precharged high when <I> is low. The dock, <I>, need not be low for very long since 
all stages are precharged simultaneously. In fact, the clock should only be low until 
all inverter outputs are low. ·when <I> goes high, we enter the evaluation phase where 
the internal nodes (labeled Y1, Y2, Y3) will fulllike dominos in order from left to right, 
assuming there is a path to the Gnd through their respective n-complexes. This is 
why the name domino is used to describe logic circuits implemented in this fashion. 

Meanwhile, the true outputs, F" F2, and F3 , would rise to Vvv, depending on the 
logic in the n-complexes. The clock must remain high long enough for logic to prop­
agate through the entire chain. Therefore, an asymmetric clock with a relatively high 
duty cycle (percentage of time that the clock is high) is used for domino logic. The 
propagation delay is the sum of each dynamic block and inverter. However, we care 
most about the falling edge of the dynamic block and the rising edge of the inverter 
output. When we optimize the speed of this type of logic, we try to speed up these 
transitions because they are the only ones that control the cycle time. 

In fact, we should design a domino stage with a stronger pull-down in the 
dynamic gate and a stronger pull-up in the static inverter. For the dynamic gate, we 
should increase the sizes of the NMOS devices in the n-complex. Since we are only 
interested in the rising output of the inverter, we could increase the size of its PMOS 
device. This type of inverter is a skewed inverter since its switching threshold is 
skewed relative to the conventional inverter. As a side-effect of the sizing operations, 
the V

5 
is higher for the static inverter. Furthermore, there is no pull-up fighting the 

pull-down in the first gate so its V5 is actually lower than expected (roughly equal 

ONSEMI EXHIBIT 1038, Page 249



l 

TRANSFER GATE AND DYNAMIC LOGIC DESIGN 341 

to the Vmof the NMOS device). Therefore, a domino stage will actually switch ear­
lier than a regular gate. 

There is also a power savings in domino logic. Only those gates that discharge to 
Gnd will dissipate power. There will be no power dissipation due to crowbar current 
since a direct path between VDD and Gnd is not allowed in this type of logic. In addi­
tion, glitches can be effectively removed since all inputs switch from low to high. 

One disadvantage of domino logic is that it can only be used to create nonin­
verting functions. This may not seem to be a problem at first glance, but one quickly 
realizes that an inverter cannot be implemented in domino logic. This is not a seri­
ous problem since we can push the inversions around the circuit as required until 
they appear at a primary input or output. We can also generate the true and com­
plement values if necessary using two precharged gates. In the worst case, we will 
require twice as many gates but the overall speed will still be faster. 

Adder Function in Domino Logic 

Problem: 

Implement the function sum= aE±) b Et) c in domino logic.Assume that the literals 
a, a, b, bare available as stable inputs to the gates. 

Solution: 

We need to create the XOR and XNOR of a and b using domino gates and then 
apply them to a third XOR gate. Note that we need the true and complement of X 
to implement the function. 

C-------

~ X=aeb=ab+G.b 

X=aeb=ab+Cib 
Sum=cmX=cX+CX 

v,,,, v,,,, 
CLK ---<j CLK ---<j CLK ---<j 

X 

a ---j x---j 

h---j c---j 

CLK ---l CLK-j 

-

Example7.7 

Sum 
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CLK 

A ----~---<I 

(a) Static NOR gate 

Figure 7.29 
Comparison of static and dynamic logtcal effort. 

7 .5.1 Logical Effort for Domino Gates 

(b) Dynamic NOR gate 

One question to pose at this stage is whether or not domino logic is actually faster 
than the static CMOS gates, and by how much. One way to evaluate its timing per­
formance is to use logical effort. For comparison, consider a static NOR gate and a 
dynamic NOR gate as shown in Figure 7.29. The pull-down strengths of both gates 
have been made equal and we assume that they are driving the same output load to 
conduct a fair comparison. The length of all devices is 2A. 

For the static gate, we already determined its logical effort to be 5/3. This can be 
derived by comparing the input capacitance of the static NOR to a corresponding 
inverter. The inverter size of 8,\ for the pull-up and 4,\ for the pull-down produces 
a ratio of 

(NOR input cap.) 16,\ + 4,\ _ 

(Inverter input cap.) = 8,\ + 4,\ = :,/3 

For the domino circuit, the input capacitance is simply SA since it is only connected 
to NMOS devices. Then, 

(Dynamic input cap.) SA 
LEd NOR = = - = 2/3 

yo_ (Inverter input cap.) 12,\ 

Since the extra inverter in domino logic has an LE = 1, the average LE for each of 
the two gates is the geometric mean of the product of their logical efforts (i.e., LE"':~ 
= v'(2/3) (1) = 0.8). Therefore, the domino stage is better in terms of its overall 
drive capability and input capacitive loading. 

The results above may seem counterintuitive at first since there are two stages 
in the domino circuit and only one in the static NOR gate. However, the fact that 
only one NMOS device is driven in the domino case gives it a decided advantage in 
terms of input capacitance. This advantage translates into a faster overall circuit. 
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"-~----~{. skew gate 

X 

Figure 7.30 
Charge-sharlng example in domino logic. 

Furthermore, the pull-down transistors in the domino case do not fight with the 
pull-up device as in the case of the static NOR gate (albeit, only for a brief period 
during switching). This makes the switching threshold V8 smaller for domino 
inputs than for static gates. 

7 .5.2 Limitations of Domino Logic 

While the previous sections highlighted the merits of dynamic logic, there are 
notable disadvantages that have prevented its widespread use in industry. The main 
problem is the potential for logic upset due to charge loss on a capacitor, and that 
is not acceptable to most designers. Charge may be lost via charge sharing, noise 
injection due to capacitive coupling, charge leakage, or a-particle hits. Once lost, it 
cannot be recovered and the circuit ceases to function correctly. We address each of 
these issues below. 

Charge sharing was described earlier in this chapter. We now apply it to the 
domino stage shown in Figure 7.30. Initially, CLK is low so the circuit is in the 
precharge phase. The OUT signal is unknown until the precharge is complete. We 
assume that signal Xis low initially. When CLK goes high, we enter the evaluation 
phase. At some point, IN goes high and turns on one of the transistors connected to 
the output, while the other transistor in the stack remains of£ As a result, we have 
charge sharing between the output node and the internal node X . The degree of 
charge sharing depends on the two capacitances Cout and Cx: · 

V* = Cout Vvv 
Cx + Cout 

If they are equal, then the output value will be reduced to half its original value (i.e., 
1/2 Vvv). Since this value is being fed to an inverter, the implications of this degree 
of charge sharing is that the inverter may flip its value and produce an erroneous 
result. Furthermore, the fact that the inverter is skewed for timing reasons means 
that a smaller drop in the output voltage will cause the inverter to switch. There is 
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Figure 7.31 
Minimizing the effects of charge sharir.g using keepers. 
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~ Minimum 

~ong 

(b) 

obviously a design tradeoff between timing and noise tolerance when sizing the 
inverter. 

There are a number of ways to minimize charge sharing in these types of cir­
cuits. One way is to increase the output capacitance so that the final output will not 
vary significantly from its initial value. The input capacitance of the static inverter 
helps in this regard Another approach is to precharge the internal node X to V00 
during the precharge phase with an additional transistor. This will require addi­
tional power and area. It will also increase the delay since there will be additional 
charge to remove from the internal nodes. 

A third approach is to introduce "keepers" or "baby-sitters" to hold the output 
value high in the presence of charge sharing. In Figure 7.31a, a weak PMOS device 
is placed in a feedback path from the output to the internal node. After precharge, 
the PMOS device is on and it continues to pull up the node even after the precharge 
is complete. If there is any charge sharing, the output is pulled back up to V00 by 
this device. On the other hand, if there is a path to Gnd from the output of the 
dynamic stage, the NMOS path must overpower the PMOS device so that the out­
put actually switches. For this reason, we need to make the PMOS device very weak. 
That is, the length L of the device is made large which makes the WIL small. 

The problem with this requirement is that it places a larger drive requirement 
on the output inverter. To circumvent this issue, two transistors can be used in the 
feedback path: one transistor is driven by the inverter output but it is a minimum 
size device so it does not place a significant load on the inverter. The second one is 
always on but it is a very long (and hence weak) device. The effective pull-up 
strength is controlled by the long device, but the capacitance seen by the inverter 
output is due to the small device. There is additional power dissipation, some ratio­
ing that is required and some additional delay. Clearly, as you begin to make the 

ONSEMI EXHIBIT 1038, Page 253



r 
TRANSFER GATE AND DYNAMIC LOGIC DESIGN 345 

dynamic circuit more tolerant to noise, it begins to take on the characteristics of a 
static device. 

A second issue in dynamic circuits is leakage. Both subthreshold current and 
reverse-bias diode leakage act to remove stored charge from any high-impedance 
nodes. However, every output node is precharged on every cycle. Perhaps a more 
serious issue is that of a-particle hits on dynamic nodes. These are cosmic particles 
that may enter the substrate and discharge capacitive nodes. Depending on the size 
of the capacitance, and hence the total charge on a dynamic node, it could reduce 
the value to a point where the stored information is lost. One way to overcome this 
issue is to increase the size of the capacitances, but this increases the area and power 
of the circuits. The keeper circuit is also useful in mitigating the effects of leakage 
and a-particles. 

A third area of concern is noise injection from the clock or capacitive coupling 
to neighboring nodes. Clock feedthrough was described earlier in this chapter and 
this effect can be observed at the dynamic output node through the CGD capacitance 
of the PMOS precharge device. The example below illustrates that this effect does 
not pose a problem. The issue of capacitive coupling to other nodes is described in 
more detail in the chapter on interconnect. The design approach to reducing this 
problem is to mininrize the coupling between any dynamic node and its neighbor 
using either spacing or shielding techniques that are described in Chapter 10. 

Charge Sharing and Feedthrough in Domino Logic 

Problem: 

For the domino function below, assume 0.13 p,m technology parameters and 
answer the following questions, 

(a) What function does the gate perform at the output R 

(b) How much clockfeedthrough do we observe at the internal node X? Is this 
a potential problem? 

(c) What is the worst-case charge sharing voltage that we observe at nodeX? 

CLK 

A--j 

1.2 V 

8). 
~~=-.--1 "><o-- F 

4>. 

Example7.8 
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Solution: 

(a) The function at the output is F = AB+ C (a noninverting function). 

(b) Clock feedthrough is due to the clock goi'ng from law to high. The PMOS 
device is in the linearregian after precharge.Thefeedthrough capacitance is 

C9 WP (2 fF/ µm){16) (0.05 µm) 
c, = CGD = -- = 0.8 IF 

2 2 

The grounded capacitance at node X,assuming no source/drain sharing, is 

C9na = C,,,(16A + 16,\ +SA)+ Cg(SA + 4A) 

= (1 fF/µm)(40)(0.05 µm) + (2 fF/µm)(12)(0.05 µm) 

= 5 fF 

The feedthrough voltage is 

c,,i.v," o.s fF(1.2 V) 
liV,- = =0.17V 

C, + C9,d 0.8 fF + 5 fF 

Therefore the output voltage due to feedthrough is 1.2 + 0.17 V = 1.37 V. 
Since the value is above V00, it is not a problem. 

(c) The worst-case charge sharing assumes that the output is sitting at 1.2 V, 
A = 1, 8 = C = 0. We have already determined that Cx = 5 fF. The capaci­
tance at the intermediate node between transistors A and 8 is 

Cr= (1 fF/µm)(16A) = 16(0.05) = 0.8 fF 

Therefore, the worst-case charge sharing is given by 

Cx(1.2 V) 5(1.2 V) 
V*= = 1.0 V 

Cx + Cy 0.8 + 5 

This level is not possible at node Y. Set Vy= V 00 - Vm = 0.73 V.The rest of 
the charge remains at node X.The remaining charge is (5 fF)(1.2 V)- 0.8 fF 
(0.73 V) = 5.42 fC. This translates to a voltage of 1.08 Vat node X. 

7 .5.3 Dual-Rail {Differential) Domino Logic 
A popular form of domino logic is called dual-rail or differential domino logic. It is 
also known as differential cascode voltage switch (DCVS) logic. Since standard dom­
ino can only implement noninverting logic functions, the dual-rail approach has 
been adopted by many microprocessor designers to overcome this limitation. The 
basic structure is shown in Figure 7.32. Rather than having only one output node, 
a complementary pair oflogic outputs are generated There are two precharge tran­
sistors that force the outputs low when CLK is low. \¥hen CLK goes high, either 
OUT or OUT will go high, depending on the logic blocks, F and F, respectively. Of 
course, both outputs cannot go high during the evaluate phase. 
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CLK 

OUT OUT 

Figure 7.32 
Structure of dual-rail domino loglc. 

An example of a dual-rail AND/NAND gate is shown in Figure 7.33. One side 
of the gate implements the Ac"ID function while the opposite side implements the 
NAND function. 

This configuration has a number of problems similar to the standard domino 
gate. The internal ·nodes are susceptible to charge sharing. Therefore, a pair of keeper 
devices are needed to maintain high levels if the clock is high for a long period of 
time. The keeper devices are shown in Figure 7.34. It is clear that the number of 
devices needed to implement the gate has increased significantly from the modest 
levels that we expected when first considering dynamic logic. Furthermore, the 
power dissipation of these gates is much higher than the conventional CMOS gate 
or the standard domino gate since one side will always be precharged high and then 

CLK 

Figure 7.33 

ab 

a --j 

b-j 

Dual-rail domino AND/NAND function. 

ab 
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Example 7.9 

ab ab 

a-j I-ii 

CLK ---j 

Figure 7.34 
Dual-rall domino wit:1 keeper devices. 

go low. This is a significant price to pay for the extra output. However, we should 
note that not every logic gate requires a complement function. Only those functions 
that explicitly require a complementary term would require the use of dual-rail 
gates. The rest can be implemented as standard domino gates. 

Dual-Rail XOR/XNOR Domino Gate 

Problem: 

Design a dual-rail XOR/XNOR domino gate and share as many transistors as possi­
ble between the true and complement logic blocks. 

Solution: 

CLK 
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Precharge logic Postcharge logic 

Delay 

Figure 7.35 
Precharge and postcharge circuits. 

7 .5.4 Self-Resetting Circuits 

The routing of the clock to domino gates presents a problem to CAD tools and 
introduces issues of delay and skew into the circuit design process. There are situa­
tions that permit the use of circuits that can automatically precharge themselves 
(i.e., reset themselves) after a prescribed delay. These are called postcharge or self­
resetting logic circuits. They find applications where a small percentage of gates 
switch in each cycle, such as memory decoders (described in Chapter 10). Here we 
will examine the basic operation of these circuits. 

Figure 7.35 shows the standard precharge configuration and the postcharge 
configuration. In the domino case, the clock is used to operate the circuit. In the 
self-resetting case, the output is fed back to the precharge control input and, after a 
specified time delay, the pull-up is reactivated. The delay line is implemented as a 
series of inverters. The signals that propagate through these circuits are pulses. The 
width of the pulses must be controlled carefully or else there may be contention 
between NMOS and PMOS devices, or even worse, oscillations may occur. For ,, 
example, if A is high for more than twice the delay around the loop, the circuit will 
oscillate. Therefore, special care must be taken to ensure correct timing. 

7.6 Summary 
Capacitive feedthrough and bootstrapping equation: 
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Charge-sharing equation: 

Large-signal resistance for CMOS transmission gate: 

Vns R. =-
n los 

RTG = RN//Rp = R,,,( ~) 
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PROBLEMS 
P7.1. Compute all the voltages at all the nodes for the pass transistor circuit of 

Figure P7.1 including the body effect. Use 0.13 µ,m technology parame­
ters. Assume that all nodes are initially at O V. 

L2V 

Figure P7.1 
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P7.2. Provide a truth table that describes the functionality of each circuit in 
Figure P7.2. (Note: In some cases, the output of the circuit may be high­
Z.) The symbol A' refers to the complement of A. 

Vvo 

T T 
A B' 

(a) 

A' B 
J_ J_ 

c-y---91 
A B' 

- A' C 

(c) 

Figure P7.2 

OUT 

OUT 

Vvo 
A' 

J_ 

IA 

B--01 

C 

T 
A' 

(b) 

B' 

T 
B' 

C' 

C' 

(d) 

01.iT 

A OUT 
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P7.3. (a} For the dynamic D-latch shown in Figure P7.3a, estimate the output 
voltages for Q and Q given that the input is at V DD when CLK goes 
high (VDD). Assume that W = 200 nm and VDD = 1.8 V. Then, re­
compute the values when the CLK goes low. Include the effects of 
clock feedthrough. 

Voo 

CLK 

...L 
D=~ Q Q w 

l 
Figure P7 .3a 

(b} Repeat part (a) for Figure P7.3b. Then, compute the worst-case 
delay through the D-latch when the clock input goes high. Include 
all capcitance. Assume W = 200 nm. 

Figure P7 .3b 

CLK 

l. 

T 
I 

CLK 

P7.4. Using transmission gates, design a circuit whose output is 

(a} Out = A + BC 

(b} Out= AB+ BC+ C 

(c} Out= (A+ B + C) + AB 

(d} Out= ((A+ B + C) +AB) 

Then remove the transistors and switches that are not necessary. 
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P7.5. What is the output of each of the circuits in Figure P7.5? 

A-j A-j 

CLK CLK 

c-j 

Figure P7.5 (a) (b) 

Vnn 

P7.6. Design a domino circuit whose output is 

(a) Out = A + BC 

(b) Out= AB+ BC+ C 

(c) Out= (A+ B + C) + AB 

(d) Out= ((A + B + C) + AB) 

P7.7. What is the LE (logic effort) of each input signal of the circuits of Fig­
ure P7.71 (All transistors are minimum size, L = 2,\ and W = 2A, unless 
specified.) 

Vnn A' 

J_ 

A' B 

J_ J_ T 
OUT 

A 
A C' OUT 

T T J_ J_ 
A B' 

T T 
Figure P7.7 - A' C 
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P7.8. For the circuit shown in Figure P7.8, assume that the transmission gates 
are all 4A:2A and that the inverters driving the transmission gates have 
PMOS transistors that are 8A:2A, and NMOS transistors that are 4A:2A, 
where A = 0.1 µm. The output inverter is to drive a 50 fF load. The out­
put inverter is ftimes larger than the input inverters. 

Figure P7.8 

(a) Write the expression for the output function in terms of A, B, se~ 
and selB. 

(b) Draw an equivalent RC circuit model for the path from A to C 
assuming that the sel signal is high. Write down the individual con­
tributions for each resistance and capacitance and place the total 
values at the appropriate nodes. 

(c) What is the expression for the delay from A to C1 Use Elmore delay 
here. 

(d) Write down the expression for the delay through the output 
inverter knowing that it is f times larger than the input inverters. 
Use an RC delay here. 

(e) Determine the optimal size of the output inverter to minimize the 
total delay from A to OUT. That is, write the complete expression 
for the delay and then derive the best value of fthat would produce 
the smallest delay. 

P7.9. What is the logical effort of the circuits of Figure P7.9 (Wp = 8A, WN = 
12.\)1 Consider the fall transition in each case. 
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A--j 
CLK 

c--j 

(a) (b) 

Figure P7.9 

P7.I0. In the circuit of Figure P7.I0, determine the capacitance of each node 
and calculate the minimum and maximum delay. (All transistors are 
minimum size, L = 2A and W = 2A, unless otherwise specified.) 

B' 
J_ 

B' 
A OL'T 

C' 
J_ 

A' 

C' 

Figure P7 .10 
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P7.1I. The precharged circuit of Figure P7.ll is a 2-input AND gate. Draw the 
waveforms at nodes F, X, and Y as a function of time. You can assume 
short rise and fall times (i.e., you do not need to calculate them), but the 
final value in each phase must be correct. Only the capacitances shown 
here need to be considered. All devices are minimum size. Both F and Y 
start out unknown. Use 0.13 µ.m parameters. 

1.2 V ~c 
F 

1.2 

OUT Phi 

1.2 

0.0 

a --j IOJF 

X J a 

b--j .I 2fF 
y -

~2JF 

b 

F 

X 0.0 

y 

Figure P7 .11 

P7.12. What is the effect of temperature on static and dynamic logic circuits in 
terms of speed, power, and leakage current? 

P7.13. Shown in Figure P7.13 is a dynamic logic gate in which the precharge 
device has a W/L of 5, the n-channel devices are all 3, and the inverter is 
a skewed inverter with a pull-up of 4 and a pull-down of 1 to reduce the 
delay. 

9 

~ ~ ~ 

~ .:'..j 

CLK ~ 
Figure P7.13 
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(a) What input settings give you the worst-case charge sharing? 

(b) What is the amount of charge sharing in the worst-case? 

(c) Does this circuit fail in the worst-case charge sharing situation? 
Explain. 

P7.14. The two CMOS circuits in Figure P7.14 are intended to be simple 
latches. Do these gates work as latches? Are there any problems with 
using them as latches? Is one better than the other? Explain. 

V,;,o VDD 

EN ---<j 

OCT rn--c OUT 

IN EN~ 

- -
Figure P7-14 (a) (b) 

P7.15. The circuit shown in Figure P7.15 is a bootstrapped inverter. It uses a 
linear enhancement load, M2, with an addition transistor, M3, to provide 
gate drive to M2• A bootstrapping capacitor, Cb, is used to pull node X 
up when the output is being pulled up. Answer the following questions 
in terms of the quantities VDD> Vr, V0 r, Cx, Gout> and Cb. 

( a) When the input is V DD' what is the output voltage and the voltage at 
nodeX? 

(b) When the input switches to a low voltage, what is the required value 
of Cb that allows the output to reach VDD? 

c, 

Figure P7 .1 s 
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8.1 Introduction 
Modern digital systems require the capability of storing and retrieving large 
amounts of information at high speeds. Memories are circuits or systems that store 
digital information in large quantity. This chapter addresses the analysis and design 
of VLSI memories, commonly known as semiconductor memories. Today, memory 
circuits come in different forms including SRAM, DRAM, ROM, EPROM, 
E2PROM, Flash, and FRAM. While each form has a different cell design, the basic 
structure, organization, and access mechanisms are largely the same. In this chap­
ter, we classify the different types of memory, examine the major subsystems, and 
focus on the static RAM design issues. This topic is particularly suitable for our 
study of CMOS digital design as it allows us to apply many of the concepts pre­
sented in earlier chapters. 

Recent surveys indicate that roughly 30% of the worldwide semiconductor busi­
ness is due to memory chips. Over the years, technology advances have been driven 
by memory designs of higher and higher density. Electronic memory capacity in 
digital systems ranges from fewer than 100 bits for a simple function to standalone 
chips containing 256 Mb (1 Mb = 210 bits) or more. 1 Circuit designers usually 

1 Recently, a memory chip with 1 Gbit of data storage capacity has been announced. 
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speak of memory capacities in terms of bits, since a separate flip-flop or other sim­
ilar circuit is used to store each bit. On the other hand, system designers usually state 
memory capacities in terms of bytes (8 bits); each byte represents a single alphanu­
meric character. Very large scientific computing systems often have memory capac­
ity stated in terms of words (32 to 128 bits). Each byte or word is stored in a partic­
ular location that is identified by a unique numeric address. Memory storage 
capacity is usually stated in units of kilobytes (K bytes) or megabytes (M bytes). 
Because memory addressing is based on binary codes, capacities that are integral 
powers of 2 are most common. Thus the convention is that, for example, lK byte = 
1,024 bytes and 64K bytes = 65,536 bytes. In most memory systems, only a single 
byte or word at a single address is stored or retrieved during each cycle of memory 
operation. Dual-port memories are also available that have the ability to read/write 
two words in one cycle. 

8.1.1 Memory Organization 

The preferred organization for most large memories is shown in Figure 8.1. This 
organization is a random-access architecture. The name is derived from the fact that 
memory locations (addresses) can be accessed in random order at a fixed rate, inde­
pendent of physical location, for reading or writing. The storage array, or core, is 
made up of simple cell circuits arranged to share connections in horizontal rows 
and vertical columns. The horizontal lines, which are driven only from outside the 
storage array, are called wordlines, while the vertical lines, along which data flow into 
and out of cells, are called bitlines. 

A cell is accessed for reading or writing by selecting its row and column. Each 
cell can store O or 1. Memories may simultaneously select 4, 8, 16, 32, or 64 columns 

1 
_/ 1 -- " 0 

-0 . 0 
0 . 0 

-0 . 
! -n 

"" 2' 

Cell array "CORE" 

/ 
~ . .. 

. . . .. / . 
1 

.,,.... 

V 

2m 

Wordlines 

Cell 

Bitlines 

~ Column deeoder/M:UX /: ---t t t Data 

m 

Column address 

Figure8.1 
Organizat'.on cf memory systems. 
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in one row depending on the application. The row and column { or group of 
columns) to be selected are determined by decoding binary address information. 
For example, an n-bit decoder for row selection, as shown in Figure 8.1, has 2" out­
put lines, a different one of which is enabled for each different n-bit input code. The 
column decoder talces m inputs and produces zm bitline access signals, of which 
1, 4, 8,16, 32, or 64 may be enabled at one time. The bit selection is done using a 
multiplexer circuit to direct the corresponding cell outputs to data registers. In 
total, 2" X zm cells are stored in the core array. 

An overall architecture of a 64 Kb random-access memory is shown in Fignre 
8.2. For this example, n = m = 8. Therefore, the core array has a total of 65,536 
cells. The memory uses a 16-bit address to produce a single bit output. 

Memory cell circuits can be implemented in a wide variety of ways. In princi­
ple, the cells can be based on the flip-flop designs listed in Chapter 5 since their 
intended function is to store bits of data. However, these flip-flops require a sub­
stantial amount of area and are not appropriate when millions of cells are needed. 

Address 
input 

n=8 

m=S 

Row decoder 

Column 
decoder 

~Senseen 
Read/write ~L_J-----. Write en 

Read/write 
control 

Figure 8.2 
Overall architecture of memory design. 
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In fact, most memory cell circuits are greatly simplified compared to register and 
flip-flop circuits. While the data storage function is preserved, other properties 
including quantization of amplitudes, regeneration oflogiclevels, input-output iso­
lation, and fanout drive capability may be sacrificed for cell simplicity. In this way, 
the number of devices in a single cell can be reduced to one to six transistors. Fig­
ure 8.2 illustrates a six-transistor memory cell. 

At the level of a memory chip shown in Figure 8.2, the desired logic properties 
are recovered through use of properly designed peripheral circuits. Circuits in this 
category are the decoders, sense amplifiers, column precharge, data buffers, etc. 
These circuits are designed so that they may be shared among many memory cells. 
Read-write (RJW) circuits determine whether data are being retrieved or stored, 
and they perform any necessary amplification, buffering, and translation of voltage 
levels. Specific examples are presented in the following sections. 

8.1.2 Types of Memory 

Read-write random-access memories (RAM) may store information in flip-flop 
style circuits, or simply as charge on capacitors. Approximately equal delays are 
encountered in reading or writing data. Because read-write memories store data in 
active circuits, they are volatile; that is, stored information is lost if the power sup­
ply is interrupted. The natural abbreviation for read-write memory would be 
RWM. However, pronunciation of this acronym is difficult. Instead, the term RA.vi 
is commonly used to refer to read-write random-access memories. If the terms were 
consistent, both read-only (see below) and read-write memories would be called 
RAMs. 

The two most common types of RAl'v1s are the static RAM (SRA<\.'!) and the 
dynamic RAM (DRAM). The static and dynamic definitions are based on the same 
concepts as those introduced in earlier chapters. Static Rfu'v!s hold the stored value 
in flip-flop circuits as long as the power is on. SRAMs tend to be nigh-speed mem­
ories with clock cycles in the range of S to 50 ns. Dynamic RAMs store values on 
capacitors. They are prone to noise and leakage problems, and are slower than 
SRAMs, clocking at SO ns to 200 ns. However, DRAMs are much more dense than 
SRAMs-up to four times more dense in a given generation of technology. 

Read-only memories (RO Ms) store information according to the presence or 
absence of transistors joining rows to columns. ROMs also employ the organization 
shown in Figure 8.1 and have read speeds comparable to those for read-write mem­
ories. All ROMs are nonvolatile, but they vary in the method used to enter (write) 
stored data. The simplest form of ROM is programmed when it is manufactured by 
formation of physical patterns on the chip; subsequent changes of stored data are 
impossible. These are termed mask-programmed ROMs. In contrast, programmable 
read-only memories (PROMs) have a data path present between every row and col­
umn when manufactured, corresponding to a stored 1 in every data position. Stor­
age cells are selectively switched to the O state once after manufacture by applying 
appropriate electrical pulses to selectively open (blow out) row-column data paths. 
Once programmed, or blown, a O cannot be changed back to a 1. 
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Erasable programmable read-only memories (EPROMs) also have all bits ini­
tially in one binary state. They are programmed electrically (similar to the PROM), 
but all bits may be erased (returned to the initial state) by exposure to ultraviolet 
(UV) light. The packages for these components have transparent windows over the 
chip to permit the UV irradiation. Electrically erasable programmable read-only 
memories (EEPROMs, E2PROM, or E-squared PROMs) may be written and erased 
by electrical means. These are the most advanced and most expensive form of 
PROM. Unlike EPROMs, which must be totally erased and rewritten to change even 
a single bit, E2PROMs may be selectively erased. vVriting and erasing operations for 
all PRO Ms require times ranging from microseconds to milliseconds. However, all 
PROMs retain stored data when power is turned off; thus they are termed non­
volatile. 

A recent form ofEPROM and E2PROM is termed Flash memory, a name derived 
from the fact that blocks of memory may be erased simultaneously. Flash memory 
of the EPROM form is written using the hot-electron effect' whereas E2PROM 
Flash is written using Fowler-Nordheim (FN) tunneling.3 Both types are erased 
using FN tunneling. Their large storage capacity has made this an emerging mass 
storage medium. In addition, these types of memories are beginning to replace the 
role of ROMs on many chips, although additional processing is required to manu­
facture Flash memories in a standard CMOS technology. 

Memories based on ferroelectric materials, so-called FRAMs or FeRAMs, can 
also be designed to retain stored information when power is off. The Perovskite crys­
tal material used in the memory cells of this type of RAM can be polarized in one 
direction or the other to store the desired value. The polarization is retained even 
when the power supply is removed, thereby creating a nonvolatile memory. How­
ever, semiconductor memories are preferred over ferroelectric memories for most 
applications because of their advantages in cost, operating speed, and physical size. 
Recently, FRAMs have been shown to be useful nonvolatile memory in certain 
applications such as smart cards and may be more attractive in the future due to 
their extremely high storage density. 

8.1.3 Memory Timing Parameters 

The timing signals of random-access memories are illustrated in Figure 8.3. At a 
high level, the main inputs are the (n + m)-bit address, the k-bit input data, and the 
read/write signal (write operations are active low in this example). The output is the 
k-bit value that was stored in the memory location associated with the (n + m)-bit 
address. The read access time, tAc, is the delay from presentation of an address until 
dstta stored at that address are available at the output. Maximum read access time is 
an important parameter, and it should not exceed the memory cycle time since 

2 Hot electrons are created by applying a high field in the channel region. These electrons enter the oxide and 
raise the threshold voltage of a device. Devices with this higher threshold voltage are viewed as a stored "1:• 
Devices with the lower threshold voltage represent a stored "O." 
3 Fowler-Nordheim tunneling occurs through thin insulating materiaJ such as thfn•oxide associated with the 
gate. Current flows through the oxide by tunneling through the energy barrier. 
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Figure 8.3 
Random access memory timing parameters. 
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there are write setup operations needed before each memory operaiion, indicated 
by tw/setup· The memory clock cycle time, t""''' is the minimum time needed to com­
plete successive read or write operations. 

The cycle time is essentially the reciprocal of the time rate at which address 
information is changed while reading or writing at random locations. Minimum 
access times for reading and writing are not necessarily the same, but for simplicity 
of design, most systems specify a single time for both reading and writing. For semi­
conductor read-write memories, the read access time is typically 50 to 80% of cycle 
time. 

8.2 MOS Decoders 
The row and column decoders identified in Figure 8.1 are essential elements in all 
random-access memories. Access time and power consumption of memories may 
be largely determined by decoder design. Similar designs are used in read-only and 
read-write applications. Row decoders take an n-bit address and produce 2" out­
puts, one of which is activated. Obviously, the one that is activated depends directly 
on the address applied to the memory. Figure 8.4 shows two forms of decoders: 
AND and NOR decoders. The decoder can be implemented using AND gates or 
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1 0 
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(a) AND-based decoder 

0 0 
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0 1 

1 1 

A, A1 Ao Au 
(b) NOR-based decoder 

Figure 8.4 
AND and NOR deeoders. 

NOR gates that take every possible combination of the inputs. There are two 
address bits in this example and we require both the true and complement of each 
address bit. The output line activated by each input combination is shown in the 
figure. Note that all outputs are normally low except one. 

An n-bit decoder requires 2" logic gates, each with n inputs. For example, with 
n = 6, we need 64 NAND6 gates driving 64 inverters to implement the decoder. 
From previous chapters, it is clear that gates with more than 3 or 4 inputs create 
large series resistances and long delays. Rather than using n-input gates, it is prefer­
able to use a cascade of gates. Typically two stages are used: a predecode stage and a 
final decode stage. The predecode stage generates intermediate signals that are used 
by multiple gates in the final decode stage. In Figure 8.5, schematics are shown for 
two possible alternatives to implement a 6-input AND gate. We could choose three 

ONSEMI EXHIBIT 1038, Page 274



366 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

Figure 8.5 
Predecoder configurations. 

Predecode stage 

(a) 

Predecode stage 

(b) 

NAND2 gates and one NAND3 gate to implement each Ai"ID6 gate, as shown in 
Figure 8.5a. Alternatively, two NAND3 gates and one N.Ai'-ID2 gate of Figure 8.5b 
may be used. The better of the two can be determined using logical effort. 

The main advantage of two-level decoding is that a large number of intermedi­
ate signals can be generated by the predecode stage and then reused by the final 
decoding stage. The result is a reduction in the number of inputs for each gate. Since 
this aspect is not clearly depicted in Figure 8.5, a more complete example for 6 
address bits is shown in Figure 8.6. In the predecoder, a total of 12 intermediate sig­
nals are generated from the address bits and their COE1p~men~. Ihe signals t!iat are 
generated in the predecoder are as follows: ¥1> AoA,, A0 A1, A0 A1, A2A3,A,A3 , etc. 
These signals may now be used by the final decoding stage to generate the 64 
required outputs using NAND3/inverter combinations. This corresponds to the 
configuration shown in Figure 8.Sa. Each predecoder output drives 16 NAND gates 
(i.e., 64 NM'D3 gates X 3 inputs each / 12 intermediate outputs). Therefore, the 
branching effort BE= 16. The delay through the NAND2-inverter-NAi'-ID3-
inverter stages can be minimized by sizing the gates using logical effort. A similar 
kind of two-level decoder can be constructed using the configuration of Figure 8.5b. 
Again, the better of the two approaches can be determined using logical effort. It is 
important to minimize the delay through the decoder as it may constitute up to 
40% of the clock cycle. 
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Predecoder 

Final 
decoder 

Figure 8.6 
Structure of two-leVel decoder for 6-b:t address.. 

Decoder Sizing Using Logical Effort Techniques 

Problem: 

Size the decoder of Figure 8.6 using F04 rules assuming that the normalized out­
put loading is 1. F04 rules imply that the optimal stage effort is equal to 4. 

LEX BEX C0 u, 
For each stage, C,n = 

4 

Solution: 

Work backwards from the output to the input, taking into account logical effort 
and branching effort of each stage. First, the normalized output has a size of 1. 
Therefore, the inverter input capacitance is 1 /4 using F04 sizing rules. The LE of the 
NAND3 gate is 5/3. Therefore, its input capacitance is (5/3)/42.The branching effort 
at the output of the predecode stage is 16. Therefore, the input capacitance of the 
inverter is (16)(5/3)/4'. Anally, the NAND2 gate has an input capacitance of 
(16)(4/3)(5/3)/44• 

ExampleS.1 
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5/3/42 

BE= 16 

- (16)(413)(5/3)14' 

8.3 Static RAM Cell Design 
Memories are said to be static if no periodic clock signals are required to retain 
stored data indefinitely. Memory cells in these circuits have a direct path to Vvn or 
Gnd or both. Read-write memory cell arrays based on flip-flop circuits are com­
monly referred to as static RAMs or SRAMs. The design issnes for static memory 
cells are described in this section. 

8.3.1 Static Memory Operation 
The basic static RAM cell is shown in Figure 8.7a. It consists of two cross-coupled 
inverters and two access transistors. The access transistors are connected to the 
wordline at their respective gate terminals, and the bitlines at their source/drain ter­
minals. The wordline is used to select the cell while the bitlines are used to perform 
read or write operations on the cell. Internally, the cell holds the stored value on one 
side and its complement on the other side. For reference purposes, assume that 
node q holds the stored value while node q holds its complement. The two comple­
mentary bitlines are used to improve speed and noise rejection properties, as 
described later in this chapter. 

The VTC of cross-coupled inverters is shown in Figure 8.7b. This type ofVTC 
was already described in Chapter 4 on single source noise margins, and in Chapter 5 
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on flip-flops. The VTC conveys the key cell design considerations for read and write 
operations. In the cross-coupled configuration, the stored values are represented by 
the two stable states in the VTC. The cell will retain its current state until one of the 
internal nodes crosses the switching threshold, Vs- When this occurs, the cell will 
flip its internal state. Therefore, during a read operation, we must not disturb its 
current state, while during the write operation we must force the internal voltage to 
swing past V5 to change the state. 

The six transistor (6T) static memory cell in CMOS technology is illustrated 
schematically in Figure 8.8. The cross-coupled inverters, MI> M, and M 2, Afo, act as 
the storage element. Major design effort is directed at minimizing the cell area and 
power consumption so that millions of cells can be placed on a chip. The steady­
state power consumption of the cell is controlled by subthreshold leakage currents, 
so a larger threshold voltage is often used in memory circuits. To reduce area, the 
cell layout is highly optimized to eliminate all wasted area. In fact, some designs 
replace the load devices, M5 and M6, with resistors formed in undoped polysilicon. 

Figure 8.8 
6TSRAM cell. 
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This is called a 4T cell since there are now only four transistors in the cell. To min­
imize power, the current through the resistors can be made extremely small by using 
very large pull-up resistances. Sheet resistance of these resistors is 10 MD. per square 
or higher and the area is minimal. Standby currents are kept in the nanoampere 
range. Thus, power and area may be reduced at the expense of extra processing 
complexity to form the undoped polysilicon resistors. However, the majority of the 
designs today use the conventional 6T configuration of Figure 8.8. 

The operation of an array of these cells is illustrated in Figure 8.9. The row 
select lines, or wordlines, run horiwntally. All cells connected to a given wordline 
are accessed for reading or writing. The cells are connected vertically to the bitlines 
using the pair of access devices to £!COvide a switchable path for data into and out of 
the cell. Two column lines, band b, provide a differential data path. In principal, it 
should be possible to achieve all memory functions using only one column line and 
one access device. Attempts have been made in this direction, but due to normal 
variations in device parameters and operating conditions, it is difficult to obtain 
reliable operation at full speed using a single access line. Therefore, the symmetri­
cal data paths band b as shown in Figure 8.9 are almost always used. 

Row selection in CMOS memory is accomplished using the decoders described 
in the previous section. For synchronous memories, a dock signal is used in con­
junction with the decoder to activate a row only when read-write operations are 
being performed. At other times, all wordlines are kept low. When one wordline goes 
high, say w/3 in Figure 8.9, all the cells in that row are selected. The access transistors 
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are all turned on and a read or write operation is performed. Cells in other rows are 
effectively disconnected from their respective wordlines. 

The wordline has a large capacitance, Cwo,d> that must be driven by the decoder. 
It is comprised of two gate capacitances per cell and the wire capacitance per cell: 

Cworo = (2 X gate cap + wire cap) X no. of cells in row (8.1) 

Once the cells along the wordline are enabled, read or write operations are carried 
out. For a read operation, only one side of the cell draws current. As a result, a small 
differential voltage develops between b and b on all column lines. The column 
address decoder and multiplexer select the column lines to be accessed. The bitlines 
will experience a voltage difference as the selected cells discharge one of the two bit­
lines. This difference is amplified and sent to output buffers. 

It should be noted that the bitlines also have a very large capacitance due to the 
large number of cells connected to them. This is primarily due to source/drain 
capacitance, but also has components due to wire capacitance and drain/source 
contacts. Typically, a contact is shared between two cells. The total bitline capaci­
tance, Ci,,,, can be computed as follows: 

Cb,,= (source/drain cap + wire cap + contact cap) X no. of cells in column 

(8.2) 

During a write operation, one of the bitlines is pulled low if we want to store 0, 
while the other one is pulled low if we want to store 1. The requirement for a suc­
cessful write operation is to swing the internal voltage of the cell past the switching 
threshold of the corresponding inverter. Once the cell has flipped to the other state, 
the wordline can be reset back to its low value. 

The design of the cell involves the selection of transistor sizes for all six transis­
tors of Figure 8.8 to guarantee proper read and write operations. Since the cell is 
symmetric, only three transistor sizes need to be specified, either M1, M3, and M5 or 
M2 , M4 , and M6• The goal is to select the sizes that minimize the area, deliver the 
required performance, obtain good read and write stability, provide good cell read 
current, and have good soft error immunity {especially due to a-particles). 

8.3.2 Read Operation 

We now describe the design details of the 6T RAM cell for the read operation using 
Figure 8.10. Assume that a "O" is stored on the left side of the_cell, and a "I" on the 
right side. Therefore, M1 is on and M2 is off. Initially, b and b are precharged to a 
higb voltage around Vvv by a pair of column pull-up transistors (not shown). The 
row selection line, held low in the standby state, is raised to VDD which turns on 
access transistors M3 and M4 • Current begins to flow through M3 and J\{1 to ground, 
as shown in Figure 8.10a. The resulting cell current slowly di~charges the capaci­
tance c;,,e Meanwhile, on the other side of the cell, the voltage on b remain~ high since 
there is no path to ground through M2• The difference between b and b is fed to a 
sense amplifier to generate a valid low output, which is then stored in a data buffer. 

371 
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Design of transistor sizes for read operation. 

Upon completion of the read cycle, the wordline is returned to zero and the column 
lines can be precharged back to a high value. . 

When designing the transistor sizes for read stability, we must ensure that the 
stored values are not disturbed during the read cycle. The problem is that, as cur­
rent flows through M3 and M1, it raises the output voltage at node q which could 
tum on M2 and bring down the voltage at node q, as shown in Figure 8.10b. The 
voltage at node q may drop a little but it should not fall below Vs- To avoid altering 
the state of the cell when reading, we must control the voltage at node q by sizing 
M1 and M3 appropriately. We can accomplish this by making the conductance of M1 
about 3 to 4 times that of M3 so that the drain voltage of M1 does not rise above V 7N' 

In theory, the voltage should not exceed Vs, but this design must be carried out with 
due consideration of process variations and noise. In effect, the read stability 
requirement establishes the ratio between the two devices. 

The other consideration in the read cycle design is to provide enough cell cur­
rent to discharge the bitline sufficiently within 20 to 30% of the cycle time. Since the 
cell current, I"ll' is very small and the bitline capacitance is large, the voltage will 
drop very slowly at b, as shown in Figure 8.10b. The rate of change of the bitline can 
be approximated as follows: 
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dV 
{,n = Cb1t;f 

dV I,01 
= 

dt 4it 

Clearly, I,e11 controls the rate at which the bitline discharges. If we want a rapid full­
swing discharge, we can make Icen large. However, the transistors M 1 and M3 would 
have to be larger. Since we have millions of such cells, the area and power of the 
memory would be correspondingly larger. Instead, we choose a different approach. 
We attach a sense amplifier to the bitlines to detect the small difference, AV, 
between band band produce a full-swing logic high or low value at the output. The 
trigger point relative to the rising edge of the wordline, /1-r, for the enabling of the 
sense amplifier can be chosen by the designer based on the response characteristics 
of the amplifier. If the voltage swing A Vand a target delay 11r are specified accord­
ing to Figure 8.10b, then 

This leads to the cell current value which, in turn, determines the final transistor 
sizes for M1 and ;W3• Alternatively, if the transistor sizes are determined to optimize 
the cell area, then the corresponding delay is computed as 

We now establish a rule of thumb for transistor sizes for the read cycle using an 
example. 

Read Cycle Design Guidelines 

Problem: 

Compute the widths of M1 and M3 in Figure 8.10 given that the circuit can only tol­
erate a rise in voltage of 0.1 Vat node q during the read operation. Assume that 
Chit= 2 pF and that the specification calls for a 200 mV transition of the bitline in 
2 ns. Use 0.13 µ.m technology parameters. 

Solution: 

When the wordline, wl, goes high, M3 is a saturated enhancement load for the M1 
driver. The driver transistor is expected to be in the linear region of operation. 
Therefore, we can write the following equation: 

W, /J.nCo, [ V ~i 
Lr (

1 
+ ~) (Voo- Vn)Vq - 2 

ErnL, 

W3VsatCox(Voo - Vq - Vn)2 

(Voo - Vq - V73 ) + EcJ-, 

Example8.2 
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We first eliminate C~ from both sides of the equation. Now, setting Vq = 0.1 V and 
ignoring body effect, we obtain 

W
1 

( 270'_v_~_m_:e-c) [ 0.1'] 
_0_.1_µ,'---m- ( 0.1) (1.2 - 0.4)0.1 - 2 

1 +-
0.6 

= W3(8 x 106 cm/s)(1.2 - 0.1 - 0.4)2 

(1.2 - 0.1 - 0.4) + 0.6 

w, 
w, = 1.7 

This ratio would be smaller if body effect were taken into account. The actual val­
ues of the widths depend on the desired rate of change of the bitline voltage, the 
delay specification, and cell current. If we require a bitline transition of 200 mV in 
2 ns, with a total bitline capacitance of 2 pF, then the cell current is 

b.V 200 mV 
/"11 = C,,;, X , = 2 pF X = 200 µ,A 

U.T 2 ns 

This is the average cell current through M1 and M3.As a rough estimate, we could 
simply use the current through the access transistor when itturns on: 

W3 (8 X 106)(1.6µ,F/cm2)(1.2 - 0.1 - 0.4)2 

I= =200,,A 
"

11 (1.2 - 0.1 - 0.4) + 0.6 r 

:. W3 = 0.4 µ,m 

This implies that W1 =0.7 µ,m. These two sizes are largerthan we would desire if we 
were trying to create a 1 Mbit SRAM. However, this example is intended to show 
the steps in the design process. 

In practice, the device sizes are controlled by the RAM cell area constraints.As a rule 
of thumb, we typically use 

w, 
-= 1.5 w, 

(8.3) 

and then optimize the sizes to provide the proper noise margin characteristics. 

8.3.3 Write Operation 
The operation of writing O or 1 is accomplished by forcing one bitline, either b D.!: b, 
low while the other bitline remains at about VDD· In Figure 8.11, to write 1, b is 
forced low, and to write O, b is forced low. The conditions when writing I are illus­
trated in Figure 8.1 la. The cell must be designed such that the conductance of M4 

is several times larger than M, so that the drain of M2 is pulled below V8• This ini­
tiates a regenerative effect between the two inverters. Eventually, M1 turns off and 
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Figure 8.11 
Write operation and waveforms for 6T SRAM. 

its drain voltage rises to VDD due to the pull-up action of M5 and M3• At the same 
time, M2 turns on and assists M4 in pulling output q to its intended low value. When 
the cell finally flips to the new state, the row line can be returned to its low standby 
level. 

The design of the SRAM cell for a proper write operation involves the transis­
tor pair M6-M4• As shown in Figure 8.Ila, when the cell is first turned on for the 
write operation, they form a pseudo-NMOS inverter. Current flows through the nvo 
devices and lowers the voltage at node q from its starting value of VDD. The design 
of device sizes is based on pulling node q below V8 to force the cell to switch via the 
regenerative action. This switching process is shown in Figure 8.llb. Note that the 
bitline bis pulled low before the wordline goes up. This is to reduce the overall delay 
since the bitline will take some time to discharge due to its high capacitance. 

The pull-up to pull-down ratio for the pseudo-NMOS inverter can be deter­
mined by writing the current equation for the two devices and setting the output to 
V.,. To be conservative, a value much lower than Vs should be used to ensure proper 
operation in the presence of noise and process variations. Based on this analysis, a 
rule of thumb is established for M6-M4 sizing: 

w, - = 1.5 w, (8.4) 
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' 
j Exercise 8-..1 

The two ratios provided in Equations (8.3) and (8.4) are only estimates. One should 
remember that the actual values will depend on a number of factors such as area, 
speed, and power considerations. However, these two rules of thumb can be used to 
validate the solution, once obtained. 

Compute the ratio of M6 to M4 for the circuit in Figure 8.11 assuming that the 
node q is to be pulled down to V7,. which is well below the switching threshold. 

8.3A SRAM Cell Layout 

Once the cell transistors are designed, the next step is to construct a cell layout. A 
typical layout for a CMOS static cell is shown in Figure 8.12. Every effort is made to 
minimize the area of the memory cell. Extensive use is made of symmetry to allow 
the core array to be generated by simply "tiling" the cells together vertically and hor­
izontally. Two levels of metal and one layer of poly are used to realize this memory 
cell. If we examine the layout carefully, we should be able to identify a total of six 
transistors. 

Starting at the top, we have the two p-channel devices, M 5 and M 6, laid out hor­
izontally. In the middle of the cell, we have M3 and M 4, which are the two pull-down 
transistors laid out horizontally. Finally, near the bottom of the c,,ll are the two 
access transistors, M 1 and M 2, laid out vertically. The bitlines, b and b, are routed in 
Metal2 vertically, while the wordline is horizontally routed in both poly and Metall 

Figure 8.12 
SRAM cell layout. 

b b 
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near the bottom of the cell. VDD is routed in Metall at the top of the cell while Gnd 
is routed in Metall near the middle of the cell. The source/drain contacts are shared 
between pairs of neighboring cells by mirroring the cell vertically. The capacitance 
of the contacts per cell is therefore half the actual value due to sharing. The cell indi­
cated by the center bounding box is replicated to create the core array. This cell is 
approximately 40A by 30A. Note that the substrate and well contacts are contained 
inside the cell. Removal of substrate and well plugs from the cell would result in a 
smaller cell. · 

The large number of devices connected to the wordline and bitlines gives rise 
to large capacitance {and resistance) values as described earlier. The row lines are 
routed in both Metall and poly to reduce resistance, while the bitlines are routed in 
Metal2. Calculations of total capacitance may be carried out using Equations (8.1) 
and (8.2). 

Capacitance Calculations for the Wordline and Bitlines 

Problem: 

What is the capacitance of the word line and the bitlines for a 64K SRAM that uses 
the cell layout of Figure 8.12 with access transistors that are0.5 µ.m/0.1 µ.min size? 
The contacts on the bitlines are shared between pairs of cells and have a capaci­
tance of 0.5 fF each. Wire capacitance is 0.2 fF/µ.m. Assume 0.13 µ.m technology 
parameters. The cell layout is 40A by 30A. Note that 1 µ.m = 20A. 

Solution: 

If we were to design a 64K SRAM, it would contain a core area of 256 x 256. 
Ignoring the resistance for the moment, the row capacitance would be due to the 
gate capacitance of 512 access transistors and the wire capacitance of 256 cells: 

cwonl = 512 X 2 fF/µ.m X 0.5 µ.m + 256 X 30A X 0.2 fF/µ.m X 1 µ.m/20A 

= 589/F 

The bitline capacitance per cell due to the source/drain capacitance of the access 
transistors is lower than usual since the voltage drop across the junction is close to 
V00• In addition, there fs wire capacitance and a half contact capacitance per cell. 
The total is 

cbi, = 256 X 0.5 fF/µ.m X 0.5 µ.m + 256 X 40A X 0.2 fF/µ.m X 0.1 µ,m/2A 

+ 128 X 0.5 fF = 230fF 

8.4 SRAM Column 1/0 Circuitry 
In this section, we examine the column input/output (I/0) circuitry, which includes 
bitline precharge circuits, column multiplexers, write circuits, and read circuits. The 
column I/0 must be designed with due consideration of the cell design and the tim­
ing specifications of the memory. 

ExampleS.3 
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wt 

8.4.1 Column Pull-Ups 

In both read and write operations, the bitlines are initially pulled up to a high volt­
age near VDD· The circuits used to precharge the bitlines depend on the type of sens­
ing that is used in the read operation. Figure 8.13 illustrates three possible precharge 
configurations. In Figure 8.13a, the precharge is similar to the dynamic logic 
precharge described earlier in Chapter 7. A precharge signal, PC, is applied to the 
two pull-ups and to a third transistor, called the balance transistor, connected between 
the two bitlines to equalize their voltage levels. When the wordline ( wl) signal goes 
high, one bitline remains high and the other falls at a linear rate until wl goes low. 
The difference between the bitlines is fed into a voltage-sensing latch-based ampli­
fier that is triggered when the differential voltage exceeds a certain threshold. 

The precharge circuit of Figure 8.13b is reminiscent of the pseudo-NM OS cir­
cuits. Two static loads and a balance transistor form the precharge circuit. When PC 
is applied to the balance transistor, it simply equalizes the two voltage levels. Once 
the bitlines are precharged, the PC signal is turned off (raised to VDD) and, at this 
point, the wordline can be activated. Of course, the pull-ups are still on so current 
will flow through one of them and into the cell side with the stored "o:• Eventually, 
a steady-state output level will be reached by the bitline, as shown in the figure. This 
type of pull-up is suitable for current-sensing amplifiers since there is continuous 
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Figure 8.13 
Column pull-up configurations. 
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current flow, or latch-based voltage-sensing amplifiers since the bitlines will estab­
lish a differential voltage, ti. v. 

Figure 8.13c is based on the NMOS saturated enhancement load. Therefore, the 
maximum possible voltage on the bitline is VDD - Vr When PC is applied to the 
balance transistor, it equalizes the two voltage levels. Once the lines are precharged 
high, the PC signal is turned off (raised to VDD) and then wl goes high.At this point, 
the pull-ups are still active so current will flow through one of them into the cell 
side with the stored "O;' Again, a steady-state output level will be reached by the cor­
responding bitline, as shown in the figure, although this value will be lower than the 
pseudo-:-.rMOS case. This type of pull-up is suitable for differential voltage sensing 
amplifiers since the bitline voltages initially start at Vnn - VTN. This lower voltage 
is needed for a proper biasing and output swing of the differential amplifier, as will 
be described later. 

The PC signal may be generated in a variety of ways, but typically it is produced 
by an address transition detection (ATD) circuit. One form of this circuit is shown in 
Figure 8.14. The ATD signal is triggered by any transition on the address inputs. The 
basic circuit is comprised of a set of XOR gates, each with a delay element on one of 
the inputs. When an address line changes, it causes the XOR gate to generate a short 
pulse since the inputs differ in value for a short time. Circuits that generate a short 
pulse of this nature are called one-shots, which are part of the monostable family of cir­
cuits. The duration of the pulse, 7 n, is determined by the delay element The delay line 
may be constructed from a simple inverter chain with an even number of inverters. In 
the figure, N is an even number and T Pinv is the inverter propagation delay. 

~ 
I 

Figure 8.14 
Address trans'.tion detection (ATD; circuit 

... r-1 
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Once the pulse is generated, it turns on one of the pull-down transistors of the 
pseudo-NMOS NOR gate. A negative going pulse is generated at its output. This is 
passed through another inverter to generate the actual ATD signal. Many of the tim­
ing signals in SRAMs are derived from this basic circuit so it is required to drive a 
very high capacitance. Therefore, the signal should be properly buffered using logi­
cal effort or any other optimization method. Once generated, it can be inverted and 
applied to the bitline precharge elements as the PC signal. The address transitions 
usually take place before the beginning of a clock cycle and, as a result, the precharge 
operation typically occurs at the end of a previous memory cycle. 

8.4.2 Column Selection 

Once all the columns have been pulled up to a high voltage, the next step is to select 
the column(s) that will be involved in the read or write operation. This column 
selection is performed using a decoder/multiplexer combination. The m-bit column 
address is used to select one or more of the zm columns. This can be performed 
using a decoder, similar to the row decoder, driving a number of CMOS pass tran­
sistors as shown in Figure 8.15. The pass transistors require complementary signals. 
Of course, if an 8-bit output is desired, then the decoder outputs would each drive 
eight CMOS transmission gates, and fewer column address bits would be needed. 

2 

m Column 

___... decoder ~3================l&~~~? 

Figure 8.15 
Column decoding and multiplexing. 
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The optimal design of the column decoder proceeds in the same way as described 
earlier for the row decoder. The transmission gates driven by the decoder are also 
sized for optimal speed. They are connected to the sense amplifier for read opera­
tions and the write driver for write operations. This is shown in Figure 8.16a. Note 
that the use of the CMOS transmission gate presents a routing problem since each 
of the signals driving the pass transistors must be complementary (we are driving 
both PMOS and NMOS devices). 

The routing can be simplified by realizing that the PMOS device is better at 
transmitting high signals while the NMOS device is better at transmitting low signals. 
Since the bitlines are near VDD during a read, we should turn on the PMOS device 
during a read operation and leave the NMOS device off. During a write, one bitline is 
pulled to a low voltage. Therefore, we leave the PMOS device off and only turn on the 
NMOS device. It is possible to separate the N.MOS and PMOS devices and only turn 
them on when needed. This is shown in Figure 8.16b. The NMOS devices are only 
connected to the write drivers while the PMOS devices are only connected to the sense 
amplifiers since they would be turned on during a read operation. 

Now that the lines have been separated, there is one other improvement we can 
consider. Rather than a single level of multiplexing, it is possible to reduce the over­
all transistor count by using a tree decoding structure as shown in Figure 8.17. In 
this example, we have a 4-bit column address which would normally translate to 16 
enable lines. Instead, we use two 2-to-4 decoders that select 1-out-of-4 pass transis­
tors at each level. As we add more levels in the tree, the signal path is slower but the 
decoder size is reduced. For this example, we have shown two-level tree decoding 
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Figure 8.17 
Two-level tree decoder for a 4-bit column address. 

with exclusively NMOS pass transistors. We would need a corresponding set of 
PMOS transistors in a similar tree configuration. The tree decoding strategy requires 
less power but may be slower as more and more levels are added. These circuits 
should be designed based on the timing and power specifications for the memory. 

8.4.3 Write Circuitry 

Simplified write circuitry for the SRAi\1 is shown :in Figure 8.18. The operation is as 
follows. First, the columns are precharged to Vnn using M7 and M8• Next, the 
address and data signals are set up and held stable for a required amount of time 
before the clock is applied. The address signals are converted into column select and 
wordline activation signals. Before the wordline is enabled, the data and write sig­
nals are applied to pull one column to ground while leaving the other side at Vnn· 
This is done by ANDing the input data with the write signal. The pull-down tran­
sistors, M13, Mw and M,5 in this case, are sized to discharge the column line in a 
specified amount of time. When the wordline goes high, current flows out of the cell 
and flips the sense of the cell. As described earlier, the internal cell voltage must be 
pulled below the switching threshold to enable the cell to flip state. Once it has 
switched, the wordline and column select lines may be returned to their standby 
values. 

8.4.4 Read Circuitry 

The read circuitry is activated when the wordline goes high. The cell transistors 
draw current from the highly capacitive column during a read operation. Therefore, 
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the bitlines slowly drop in voltage and could potentially cause long access times. To 
reduce read access time, the memory is designed so that only a small voltage change 
on one column line or the other is needed to detect the stored value. Two or more 
amplifying stages are used to generate a valid logic output when the voltage differ­
ence between band bis about 150-200 mV. Thus the column delay is only due to 
the time needed to achieve this small voltage change. 

Figure 8.19 shows a simplified version of the read circuitry for a CMOS static 
memory. One of the precharge circuits of Figure 8.13 is used to pull the column 
lines high. In this case, the columns are biased at VDD by transistors M7, M8• Then, 
the address, data (not used during read), and clock signals are applied. Again, the 
address signals translate into column enable and wordline activation signals. L'su­
ally the column selection and sense enable are activated at the same time. The sense 
amplifier depicted in Figure 8. 19 is used to provide valid high and low outputs using 
the small voltage difference between_ inputs band b. The precharge circuit must be 
consistent with the sense amplifier circuit. Otherwise, the sense amplifier may not 
operate properly. 
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Figure 8.19 
Basic read circuitry. 
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Figure 8.20 provides an example of a sense amplifier in the form of a conven­
tional CMOS differential amplifier.• Typically, SRA.'A:s may use eight identical sense 
amplifiers to provide simultaneous output of eight data bits. When using these 
types of sense amplifiers, the column pull-up transistors must be saturated 
enhancement loads (shown at the top of Figure 8.13c). Otherwise, the inputs would 
start at VDD which would make it difficult to bias M4 and M5 properly for the desired 
output swing at node out. 

The main reason for using this type of sense amplifier is to improve the noise 
immunity and speed of the read circuit. Since the voltage swing on the bitlines is 
limited due to the large capacitances, any noise on these lines may 91use an error in 
the reading process. In fact, any noise that is common to b and b should not be 
amplified. We are only interested in the differential signal changes between the two 
bitlines. The sense amplifier shown in Figure 8.20 attenuates common-mode noise 
and amplifies differential-mode signals. The detailed operation of this circuit 
involves the concepts of analog circuit design. However, since we are using it for 

4 These are called sense amplifiers when used in memory applications; their role is to sense which bidine is 
dropping in voltage. Normally, such a circuit is used for small-signal voltage gain rather than large-signal sens­
ing applications. 
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Figure 8.20 
Differential voltage sense amplifier. 

large-signal applications, we can study its properties from a more digital point of 
view. 

The circuit can be divided into three components: the current mirror, common­
source amplifier, ·and the biasing current source. All transistors are initially placed 
in the saturation region of operation so that the gain is large. They also use large val­
ues of channel length, L, to improve linearity. 

The two transistors, M3 and M4, act to provide the same current to the two 
branches of the circuit. That is, the current flowing through M3 is mirrored in M4: 

I3 = I 4 

Any difference in the two currents is due to differences in their V DS values. The tran­
sistor M5 sets the bias current, I55 , which depends on the bias voltage Vcs· At steady­
state, the current flowing through the two branches of the amplifier should be equal 
to Iss/2. 

The two input transistors, M1 and M2, form a source-coupled differential pair. 
The two input voltages, V,1 and V,2, are connected to the column lines. The biasing 
of the circuit must be done carefully to allow the output node to have a large enough 
swing. Specifically, the transistors must be on and in the saturation region of oper­
ation for high gain. In order to accomplish this, the inputs to M 1 and M2 must be 
set to approximately Vnn - VTN rather than VDD· To understand this, consider the 
case when the inputs are precharged to Vnn· To keep the input devices in saturation, 
their two drain nodes, NI and ou4 would be biased at the saturation voltage: 

The above simplification is possible since the channel lengths are large. 
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A problem arises if the two nodes, NI and out, are biased at this value: both p­
channel devices would be at the edge of cutoff. In practice, the PMOS threshold 
voltage is higher in magnitude than the NMOS threshold voltage. Therefore, both 
M3 and M4 would be completely off in the steady-state condition. Instead, if we 
biased the inputs of M1 and M2 at V DD - VIN> then 

VNI = voe<= (VDD - Vm) - Vm = VDD - 2Vm 

Now there is enough headroom for the two PMOS devices to be comfortably on and 
in saturation. This input bias condition requires the use of the column pull-up cir­
cuits of Figure 8.13c. 

With the biasing established, the sense amplifier operates as follows. Initially, 
the bias currents in thenvo branches areeqnal and the two inputs are at VDD - VTN' 
When the voltage at one input decreases, it decreases the current in that branch. At 
the same time, the current in the other branch increases in value to maintain a total 
of Iss through M5• 

We examine the discharging and charging cases in Figure 8.21. Assume that M1 
is the input that has dropped below V DD - Vm by the prescribed amount to turn it 
off, as in Figure 8.21a. This implies that the currents in M3 and M, are both zero. 
However, since the current in M5 is Iss, it follows that this current must be dis­
charging the output capacitance through M2• Therefore, the output voltage is 
quickly forced to ground. In the other scenario depicted in Figure 8.21 b, if the input 
V12 drops by the prescribed amount, M2 is turned off. Then all the current flows 
through ,\11> M3, and ,\15• The current of M3 is mirrored in 1\J4• Since the current in 
M2 is zero, this current must flow to the output to charge it to Vnv· 
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This type of differential amplifier is used in high-speed applications. The required 
differential voltage for proper operation is of the order of 100 mV to 200 mV. Its speed 
can be adjusted depending on how much power dissipation can be tolerated. Con­
sider modeling the output transition as a current source driving a capacitor. The rate 
of change of the output, whether switching high or low, is given by 

dV = lss 

dt Gout 

This is called the slew rate (i.e., dV!dtat the output). Rearranging, the delay through 
the sense amplifier is 

To reduce the delay, a large 155 can be selected. However, the power dissipation in 
steady-state is given by 

Therefore, a tradeoff exists between the speed and the power dissipation; both are 
controlled by the choice of Iss· Once a suitable value of I55 is selected, the W/L of 
the devices can be determined. For the input devices, the W/L determines the 
V GS - VrN value. This value is the gate overdrive term that establishes the desired 
bitline swing value. As the input transistor sizes increase, the gate overdrive term 
decreases. Since we require a small gate overdrive, the input devices are required to 
be rather large. The sizes of the other transistors are based on the bias voltages 
needed at the internal nodes. The complete design of such amplifier circuits falls 
into the realm of analog circuit design. Further details can be obtained by consult­
ing the references at the end of the chapter. 

A second option for the sense amplifier is the latch-based circuit shown in Fig­
ure 8.22. The circuit is effectively a cross-coupled pair of inverters with an enabling 
transistor, M,. This circuit relies on the (slower) regenerative effect of inverters to 
generate a valid high or low voltage. It is a lower power option since the circuit is 
not activated until the required potential difference has developed across the bit­
lines. However, it is slower since it requires a large input voltage difference and is not 
as reliable in the presence of noise as the previous sense amplifier. 

The initial sequence of operations is similar to the differential sense amplifier 
described above. The bitlines are precharged to VDD with either Figure 8.13a or Fig­
ure 8.13b. Then the wordline is enabled and one of the bitlines drops in voltage. As 
the bitline differential voltage reaches the prescribed amount, the sense enable is acti­
vated. The timing of the sense enable is critical as described later. For now, assume 
that it arrives at the proper time. At this point, the bitline difference is fed into the 
cross-coupled inverters. One side drops in voltage fuster than the other side, since 

. one side will always have more gate overdrive than the other. When the voltage drops 
below V TN on one side, it turns off the pull-down transistor of the opposite side, and 
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Figure 8.22 
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Latch-based sense amplifier. 

the pull-up transistor acts to raise the voltage to Vvv· This regenerative process is 
shown in the timing diagram of Figure 8.22. The device sizing follows previously dis­
cussed methods for flip-flops. 

The more important issue is the timing of the SenseEnable signal. If the latch is 
enabled too early, the latch may not flip in the proper direction due to noise. If it is 
enabled too late, then it will add unnecessary delay to the access time. In addition, 
process variations will control the actual timing of the signal. In order to guarantee 
that the signal will arrive at the proper time in the presence of process variations, 
one needs to introduce a replica circuit that mimics the delay of the actual signal 
path, shown in Figure 8.23. Here, the upper path emanating from the clock is the 
actual signal path to the bitlines. The SenseEnable should arrive as soon as the bit­
line swing reaches the desired value. By creating a second path (the lower path) that 
exhibits the same delay characteristics, we can ensure that the SenseEnable arrives 
at the correct time. 
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Figure8.23 
Replica drcuit for sense amplifier clock enable. 

The critical path for the read cycle starts from the clock and the address inputs 
and terminates at the sense amplifier inputs. The signal flows through the decoder and 
generates the wordline, which activates the memory cell that drives the bitlines. The 
swing on the bitlines is presented to the sense amplifier. This is the point at which we 
wish to enable the sense amplifier. The purpose of a replica circuit is to duplicate the 
delays along this path with circuits that correspond to each delay element. Essentially, 
we want to have a decoder replica that tracks the gate delays in the real decoder, and 
a cell replica that tracks the bitline discharge delay of the actual bit cell. 

Note that we have placed the memory cell replica before the decoder in Figure 
8.23. It is not appropriate to place the memory cell after the decoders in the replica 
path since it would have to drive all the sense amplifiers at the bottom of the mem­
ory.· Since a small memory cell does not have the needed drive capability, we place 
the replica cell ahead of the decoder. We can keep the memory small and still deliver 
a full-swing signal as needed by the input to the decoder replica. The buffers of the 
decoder replica can be used to drive the sense amplifiers. 

One issue for the replica memory cell in this configuration is that we require 
the full-swing output to have the same delay as the small swing on the actual bit­
lines. For example, if the actual cell requires 500 ps to transition by 180 m V, then the 
replica memory cell would require approximately 5 ns to transition by 1.8 V. This is 
not an acceptable delay in the replica path. 

The replica cell should, in fact, be a replica column line with only enough cells 
to match the timing of the actual column. This is shown in Figure 8.24. For example, 
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256 

if we have 256 bits in the true bitline with a swing of 180 m V, then we only require 
roughly 26 cells in the replica circuit to produce a full swing of 1.8 Vin the same time 
interval. The slight round off error in the number of cells used is not an issue since 
we will ensure that the replica path is slightly longer than the actual path delay. With 
the full swing from the replica path cells, we can drive the decoder replica gates. The 
needed 26 bits can be cut from a section of additional columns that are always fab­
ricated alongside the main memory array to avoid "edge effects" on each end. 

To ensure that the SenseEnable does not arrive too early for any reason, we 
should add an extra gate delay or two to the decoder replica. Designed in this man­
ner, the SenseEnable will arrive at the proper time in the presence of process and 
environmental variations. 

8.5 Memory Architecture 
The overall memory architecture can now be described. In Figure 8.25, we illustrate 
a high-level layout of the memory array. The core array containing the cells is the 
largest block. The bitline precharge circuits are positioned above the core. The row 
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Figure 8.25 
Basic memory architecture. 

decoder is placed on the right side and the column multiplexer and bit I/0 are 
located below the core array. If we zoom in on a corner region of the memory, as 
shown in the right-hand side of Figure 8.25, we see that the row decoder is comprised 
of a predecoder and a final decoder. The decoder drives the wordlines horizontally 
across the array. Each pair ofbitlines feeds a 2:1 column decoder (in this case) which 
is connected to the bitline I/0 circuits such as sense amplifier and write drivers. Each 
memory cell is mirrored vertically and horizontally to form the array, as indicated in 
the figure. 

Several factors contribute to a limit on the maximum speed of operation. Delays 
in address buffers and decoders naturally increase as the number of inputs and out­
puts increase. Row lines are typically formed in polysilicon and may have substantial 
delays due to distributed RC parameters. A metal line may be placed in parallel and 
contacted to the poly line to reduce the delay (cf., Figure 8.12). Column lines are usu­
ally formed in metal, so resistance is not as significant, but the combined capacitance 
of the line and many parallel access transistors connected to them results in a large 
equivalent lumped capacitance on each of these lines. The large capacitances on the 
wordline and bitlines also contribute to excess power dissipation. 

In order to reduce delay and power, a number of different partitioning 
approaches have been used. One technique is the divided wordline (DWL) strategy 
shown in Figure 8.26 for a 64K bit SRAM. Part of the 8 row address bits ( 6 in this 
case) are used to define global wordlines. A total of 64 global wordlines are created. 
These lines do not drive memory cells (i.e., the two access transistors within each 
cell) and therefore have far less capacitance than the regular wordlines. The remain­
ing 2 bits of the address are used to generate local wordlines that actually drive the 
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cell access transistors. In this example, four blocks are created and accessed using the 
local wordlines. The total cell capacitance is reduced by up to a factor of 4. Therefore, 
the power will be reduced greatly. In addition, the delay along the wordlines is also 
reduced. 

A similar partitioning strategy can be applied to the bitlines, as shown in Fig­
ure 8.27. An architecture without partitioning is shown in Figure 8.27a. For this 
case, neighboring pairs of bitlines are multiplexed to produce 128 outputs (i.e., 
there are 128 sense amplifiers in this example). If the bitlines are partitioned .into 
two sections, the bitline capacitance is reduced by a factor of 2. The proper cell must 
be selected using a two-level multiplexing scheme of Figure 8.27b. To achieve the 
same bitline swing as in Figure 8.27a would only require roughly half the time. Fur­
ther partitioning can be carried out with a corresponding increase in the complex­
ity of multiplexing. 
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This chapter has focused on the application of material in previous chapters to the 
design of an SRAM. Modern memories are, of course, much more complicated but 
most of them can be understood with the basic concepts that have been presented 
in this chapter. Since memory is very regular in nature, the design process has 
reached a point where it can be implemented in software. Today, there are CAD 
tools called memory compilers that can generate a memory design within minutes. 
While the sizes of the memories that can be generated are still limited to some 
degree, the automatic synthesis approach for memories will be used more fre­
quently in the future. This concludes the discussion on SRAM circuits. Other types 
of memory circuits are described in Chapter 9. 
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PROBLEMS 
PS.I. \A/hat are the main differences between the ROM, SRAM, DRAM, 

EPROM, E2PROM, and Flash? Which is the most popular memory for 
embedded applications (i.e., on the same chip as the processor logic 
blocks)? Describe suitable applications for each one. 

P8.2. Draw the circuit equivalent for the 6T SRAM of Figure 8.12. Estimate 
the height and width of the cell. Assume that contacts are 4A by 4A. 

P8.3. Implement an 8-bit decoder using NAND2, NAND3, and NAND4 logic 
gates and inverters, following a two-level decoding scheme. You do not 
have to design the sizes of the transistors. Y.lhy is a two-level scheme pre­
ferred over a multilevel scheme? What is the branching effort of the 
decoder from input to output (see Chapter 6 for the definition of this 
term)? 

PS.4. Consider the SRAM cell of Figure 8.8 with a stored O on the left side and 
a stored 1 on the right side. Desig.n the. transistors of the SRAM such that 
node q does not exceed V TN during a 'read operation and node q drops 
below Vs during a write operation. The desired cell current during a 
read operation is 300 µ,A. Use 0.18 µ,m technology parameters. 

P8.5. Redesign the SRA1\1 cell of the previous problem by assuming worst­
case conditions for a read operation as follows: the threshold voltage of 
M3 is reduced by 10%, the width M3 is increased by 10%, the threshold 
voltage of M2 is decreased by 10%, and the width of M2 is increased by 
10%. Explain why this is considered to be worst case for a read opera­
tion. Simulate the circuit in SPICE to demonstrate its operation under 
worst-case conditions. 

PS.6. Redesign the SRAM cell of the previous problem by assuming worst­
case conditions for a write operation as follows: the threshold voltage of 
M4 is increased by 10%, the width M4 is decreased by 10%, the thresh­
old voltage of 1,.11 is decreased by 10%, and the width of M1 is increased 
by 10%. Explain why this is considered to be worst-case for the write 
operation. Simulate the circuit in SPICE to demonstrate its operation 
under worst-case conditions. 

PS.7. Consider the 6T SRAM cell of Figure 8.8. Replace M5 and M6 by poly 
resistors that are 100 Mil in value. Explain how this new 4T cell works 
for read and write operations. How does the internal node get pulled to 
a high value? Is the new cell static or dynamic? 
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P8.8. For the sense amplifier shown in Figure 8.20, answer the following ques­
tions using 0.18 µ,m technology parameters: 

(a) If the sense amplifier is driving a load of 50 tF in 500 ps, what is the 
required value of Iss1 

(b) In order to tum off the input transistors with a bitline swing of 
100 mV, what values of W/L are needed? 

( c) Which of the three column pull-up configurations of Figure 8.13 
would be used with this sense amplifier? Y.ihat is the initial voltage 
at the inputs to the sense amp? 

( d) Given the size of the input transistors, what is the steady-state volt­
age at the gate node and the resulting size of M,? 

(e) Choose the sizes of M3 and 1vf4 to establish a suitable steady-state 
output voltage. 

DESIGN PROBLEM 1: Decoder Design 
in 0.18 µm Technology 
Your task is to create a decoder for a small memory shown in Figure D8.l. The 
memory consists of lK words, each containing 64 bits, arranged as a 256 X 256 
array of 6T SRAM cells. A word is selected for reading by the row and column 
decoders. The row decoder asserts one of the 256 wordlines. Each Metal2 wordline 
selects a row of four 64-bit words. Four selected words feed the input of the 4:1 
MUX controlled by the outputs of the column decoder. 

The SRAM receives a 10-bit address. The inputs to the row decoder are the 
upper 8 bits of the address, while the lowest 2 bits of the address feed the column 
decoder. Each access transistor in the memory cell is 4A in width. Each SRAM cell 
is 40A X 40A. The diagram in Figure D8.l illustrates the SRAM array, with a blow­
up of one of the SRAivl cells in the forty-second word. 

The spec allows a maximum of 5 tF of gate capacitance on any address input. 
You can assume that the clock period is 24F04 delays. Your task is to minimize the 
delay from the address becoming stable to the wordline rising. The general topol­
ogy for the decoder is provided in Figure D8.2. Your design goal is to implement an 
optimal row decoder that converts 8 address bits into 256 wordlines using logical 
effort. 

(a) What is the total load on one wordline? Include both the loading of the 
SRAM cells and the capacitance of a Metal2 wordline. Assume a wire capac­
itance of 0.2 tF/ µ,m. You can assume that gate capacitance is 2 tF/ µ,m. 

(b) Find the total path effort in the address decode path by estimating the 
fanout from input (address bit) to output (wordline), the branching factor, 
and the logical effort. Estimate the number of stages needed in the optimal 
design. 
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Figure D8.1 
SRAM layout ar.d timing information. 

(c) You can implement the predecoder in either 2 or 4 stages as shown in Fig­
ure D8.2. Which of the two approaches is better? Using logical effort, 
decide which architecture you are going to use. For both cases, the final 
decode stage is a NA.1\fD2-INV combination. Ignore any sideload capaci­
tances. 

(d) Next choose the correct design for the decoder, and size the gates to opti­
mize performance. What is your estimate of the delay of the decoder in 
terms of F04 delay (include the delay from the parasitics of the gates in 
your estimate)? 

( e) Now include the sideload at the outputs of the predecoder stage. The side­
load is due to the wire running vertically in Figure D8.2. Compute the 
actual sizes when the sideload is included. 

(f) Compare the hand-calculated delay against SPICE. 
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Figure D8.2 
Decoder topology, branching,and wire loads. 

DESIGN PROBLEM 2: Design of SRAM Cell and Read/Write 
Circuitry in 0.18 µ.m Technology 
The problem explores cell and 1/0 design issues for a 64K SRAM based on the pre­
vious problem. Since there are 256 columns in the SRAM and 64 bits/word, it 
requires 64 sense amplifiers (1 per bit of output) and each one is driven by 1 of 4 
possible columns ( one column from each interleaved 64-bit word). 

(a) First consider the cell design. Recall that in Design Problem 1, the access 
transistor of the SRAlv! cell was given as 4A. Size the rest of the transistors 
to satisfy the following requirements: (1) During a read, the internal volt­
age should not rise above Vm, (2) During a write, the access transistor 
must be able to pull the internal node to at least 0.8 V (i.e., well below Vs 
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of the inverter), and (3) Make the transistors as small as possible. One 
assumption you could make is that the bitline is around O V during the 
write operation. For the read operation, assume that the bitline acts like a 
supply voltage at V DD· Rules of thumb are available for the design but you 
may need to adjust these values to make the cell work properly. All transis­
tors should be specified in integer units of A. The minimum channel 
length/width is 2A. 

(b) Estimate V5 of the inverters used in the cell. Why is this number important 
in the cell design? Use SPICE to verify the de parameters you calculated. 
Provide both V 0L for the read operation and Vs as measured in HSPICE. 
Adjust any device sizes as necessary to achieve the design specifications. 

(c) Using hand calculations, estimate the current that the cell can draw from 
the bitline when the wordline goes high. Use an average between the initial 
value and the steady-state value to estimate this current. 

( d) Next, calculate the capacitance of the bitline. There are 256 rows of cells 
and, from Design Problem 1, each cell is 40A X 40A.The column pull-up 
transistors are each 50A. Assume that each contact has a capacitance of 1 fF. 

(e) Next compute the time required to discharge one of the bitlines by 180 mV. 

(f) The last part of the read cycle involves the sense amplifier. The design of 
the sense amp has been provided in P8.8 using Figure 8.20. Compute the 
discharge time assuming that the bias current is 300 µ,A and the output 
capacitance is 50 fF. Assume a voltage swing at the output of the sense amp 
of0.9 V. 

(g) The next step of the design is the write circuit of Figure 8.18. To write the 
cell, the bitline has to be driven low enough so that the cell switches. Ide­
ally, the write time should be about the same speed as the read time. If we 
work to make it faster, we are wasting our effort because the read will be the 
limiting factor. If it is slower than the read, then the write is in the critical 
path and that is not desirable either. Using a simple RC model, determine 
the effective resistance needed to get the bitlines to swing down to VDD/5 
in the same amount of time it takes to do the read. Size M13, Mw and M15 

so that they have this effective resistance. 

(h) As a last step, we need to set the values of the column pull-up transistors of 
Figure 8.18. They need to pull the bitlines up after a write but before the 
end of the precharge phase. How big do they need to be? The final differ­
ence of the bitlines should be less than 10% of the desired read swings to 
avoid confusing the sense amp. Typically, we make them twice the size of 
the pull-down devices for a fast precharge. Size these transistors accord­
ingly. 

(i) Check your results using SPICE. 
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10.1 Introduction 

This chapter is devoted to the study of interconnect issues that the IC designer faces 
when designing in deep submicron technologies. The relative importance of inter­
connect in deep submicron cannot be overstated. In fact, the topic of interconnect 
should actually appear much earlier in the text to stress its importance, but it is 
more appropriate at this stage since the discussion of transistor level circuit design 
has been completed. Initial coverage of interconnect topics was provided in Chap­
ters 1 and 3. This chapter addresses the issues associated with RLC aspects of wires 
in detail. We begin by reexamining the RC delay calculation using the Elmore delay, 
and address the issue of buffer insertion in long wires. Then, we examine the capac­
itances associated with 3D interconnect. This topic is rather complex but we pro­
vide a simplified treatment to convey the most important concepts. This leads to a 
discussion of the effect of coupling capacitance on delay and noise injection in logic 
circuits. The chapter continues with a discussion of inductance effects and con­
cludes with a brief look at antenna effects. 

"Interconnect is everything" was an often-used expression starting in the mid-
1990s to characterize the importance of interconnect in deep submicron technologies. 

CHAPTER 

1 

441 
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0.18 µm 5-layer Al metal process 

Figure 10.1 

=-t-7 Aluminum conductors (5 levels) 

Oxide dielectric 

Tungsten plugs 
The device (a) 

Cross sections of aluminum and copper processes. 

0.13 µm 8-layer Cu metal process 

(b) 

Copper conductors (8 levels) 

Copper plugs 
The device 

While device sizes were shrinking with each technology generation, multilevel metal 
structures rose higher and higher above the surface of the silicon and soon began 
to dominate the landscape of the integrated circuit. This is illustrated in the cross­
sectional views of 0. 18 µ,m aluminum and 0. 13 µ,m copper technologies in Figure 
10. 1 .  The number of layers of metal has increased from a few layers in the 1980s, to 
four or five layers in the 1990s, to eight or more layers today. The fabrication of 
these superstructures required significant advances in integrated circuit processing. 
However, the impact on design was even more significant. Suddenly, interconnect 
controlled timing, power, noise, design functionality, and reliability. It controlled all 
of these important electrical characteristics on the chip, even though the tiny 
devices (buried under a multilevel structure of wires and vias) defined the actual 
logic functions. Today interconnect still controls the design process in advanced 
technologies and will continue to do so for the foreseeable future. 

The dimensions associated with a cross section of interconnect are shown in 
Figure 10.2. The rectangular wires are Wwide and Tthick, as shown. The separa­
tion between layers is a distance H (insulator thickness), and from other conductors 
is a distance S. The length of the wire, L, is shown only for Metal 2. The Metal 1 wires 
run into the page and so their lengths are not shown. It is important to realize that 
the vertical dimensions Hl, Tl, H2, and T2 are determined during the fabrication 
process. The designer has no control over these quantities. On the other hand, the 
horizontal dimensions Wl, Sl, LI, L2, etc. are all under the control of the designer. 

There are a number of reasons to emphasize the importance of interconnect. 
First, as the width W of wires is decreased, the resistance increases. This increase in 
wire resistance causes an RC delay phenomenon that had not been experienced before 
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Wire dimensions for resistance and capacitance calculations. 
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! T2 

1990. By the mid-l 990s, a noticeable increase in wire delay led to widespread concern 
that it would soon be greater than gate delay. Second, the spacing S between wires has 
been decreasing to the point where the coupling between wires is significant. The 
resulting capacitive coupling introduces additional delay and noise effects that can 
cause failures in the design, requiring respins of silicon1 in order to fix the problem. 
The overall term for all these problems is signal integrity. Recent issues of inductance 
in wires have been included in the growing list of signal integrity problems. 

Other problems have surfaced due to the scaling of interconnect. The increase 
in resistance in the power supply lines due to scaling causes voltage drop along 
interconnect, referred to as IR drop. This affects the timing and functionality of 
gates connected to the power lines if the drop becomes too significant. A similar 
issue concerns the Ldi!dt drop in the power grid due to inductance. Still other 
effects such as charge storage on metal lines during manufacture, called antenna effects, lead to gate oxide breakdown or a threshold voltage shift. Further reliability 
problems exist due to the migration of the aluminum or copper material in the 
wires as high levels of current flow through them. Eventually, cracks and other 
imperfections in the metal cause material erosion until opens or shorts occur. This 
phenomenon is called electromigration, a long-term reliability issue. 

Indeed, interconnect is more important than devices in many respects. This 
chapter and the next should be studied carefully as they contain valuable informa­
tion pertaining to interconnect design issues. The material on interconnect in the 
open literature is rather extensive. Our purpose here is to convey the major issues 
and provide useful insight into the design methods to circumvent these issues. This 
chapter considers resistance, coupling capacitance, and inductance effects on delay 
and noise. Antenna effects are also described. The next chapter considers power grid 

1 A spin of silicon is the process of designing a chip and then having it fabricated. When errors are found in the design after fabrication, the whole process must be repeated. This is a very expensive and time-consuming exercise. Often several "spins of silicon" are needed to produce a working design for large complex chips. 
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and clock tree design in the context of interconnect issues. For further information, 
the reader is encouraged to consult the references at the end of the chapter. 

10.2 Interconnect RC Delays · 

10.2.1 Wire Resistance 
The delay due to interconnect has changed considerably due to deep submicron 
effects. It is our objective to develop models that can be used for accurate delay cal­
culation when interconnect effects must be taken into account. So far, we have used 
a simple lumped capacitance to model the wire as shown in Figure 10.3a. We now 
consider the effect of wire resistance on delay. As the width dimension of the wires 
is reduced, the increased resistance has a pronounced effect on the delay. This was 
first observed at the 0.8 µ,m technology node at a number of semiconductor com­
panies, but became a widespread issue at the 0.35 µ,m technology node. The inter­
connect model shown in Figure 10.3b is required when interconnect resistance is 
important. 

The resistance of a material is given by 

R = � = ;� (10.1) 

where p is the resistivity of the material in 11-cm, L is the length of the wire, Tis the 
thickness of the wire, and Wis the wire width. The leading term in Equation (10.1) 
is an important one: 

(10.2) 

I 
(a) 

(b) 

Figure 10.3 
(a) Lump capacitance model. (b) RC interconnect model. 
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where Rsq is the sheet resistance of the material and has the units of ohms per square 
(fi/D). The sheet resistance of any metal layer can readily be computed from the 
resistivity and the thickness, T. To keep resistance relatively low in each technology 
generation, the thickness has not been scaled at the same rate as the minimum line 
width. However, the thickness of the metal lines will vary, depending on the metal 
layer. To simplify our description, we assume that two different thicknesses are used, 
one for the lower layers and one for the upper layers. Because the upper layers carry 
much larger currents over longer distances, they require a lower resistance, and 
therefore a higher thickness. 

The two most common materials for interconnect are aluminum, with p = 
2.7 ,ufi-cm, and copper, with p = 1.7 ,ufi-cm.2 The metal hierarchies for a 0. 18 ,um 
aluminum process and a 0.13 ,um copper process were shown in Figure 10. 1. The 
approximate sheet resistances for a 0.18 ,um, 5-layer aluminum process assuming 
that metals 1 to 4 have a thickness of 0.5 ,um and metal 5 has a thickness of 1.0 ,um 
are as follows: 

p 2.7 ,ufi-cm R = - = = 54 mfi/D Al metals 1-4 
sq T 0.5 ,um 

p 2.7 ,ufi-cm R = - = = 27 mfi/D Al metals 
sq T 1.0 ,um 

(10.3) 

The approximate sheet resistances for a 0.13 ,um, 8-layer copper process assuming 
that metals 1-6 have a thickness of 0.4 ,um and metals 7-8 have a thickness of 
0.8 ,um are as follows: 

R _ p _ I. 7 ,ufi-cm 
/ ----=42 mfi D sq - T - 0.4 ,um 

Cu metals 1-6 

p Rsq = T 
1.7,ufi-cm 
---- = 21 mfi/D Cu metals 7-8 

0.8 ,um 

Given these parameters, the actual resistance of a segment of wire is: 

(10.4) 

(10.5) 

The ratio of LI Wis referred to as the number of squares of wire. It is the aspect ratio 
of the wire in terms of length and width. Designers count squares of interconnect 
as a way of obtaining a relative resistance value for a wire since Rsq is fixed for a given 
technology. As we know by now, the number of squares of resistance has continued 
to increase over the years since L is increasing and Wis decreasing for the longest 
wires on the chip. Therefore, these are the wires that cause significant RC delay 
problems. 

2 As a point of comparison, tungsten plugs have a much higher resistivity of 5.5 µil-cm. 

445 � . 
' 
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10.2.2 Elmore Delay Calculation In long wires, the increased resistance presents a distributed RC load to a driving gate, as shown in Figure 10.4. For simplicity, the driver is represented as an ideal volt­age source. The distributed RC line has been converted to a lumped RC ladder struc­ture with n segments. The total resistance for the line is the sum of all the individual resistances, �ire = nRw, The same holds for the total capacitance, Cwire = nCw, The wire capacitance in the delay calculation is computed using the capacitance per unit length of interconnect, Cint' In modern technologies, there are multiple lev­els of metal and each one has a different Cini· In fact, as we shall see later, intercon­nect capacitance is distributed in nature and highly dependent on the layout. Today, there is more coqpling capacitance between lines than there is capacitance to ground. For the moment, we use an average capacitance value and assume that all layers have the same Cini for hand calculations. The effective wire capacitance for metal interconnect is Cini = 0.2 fF/ µ,m for densely packed lines (3-4,.\ apart) and of the order of Cini = 0.1 fF/ µ,m for loosely packed lines (30-40,.\ apart). We will often use Cini= 0.2 fF!µ,m for the capacitance for an interconnect line to be somewhat pessimistic. To determine the delay of an RC ladder, consider an aluminum wire in 0.18 µ,m technology. Assume a wire width of W = 0.4 µ,m, and Cini = 0.2 fF/ µ,m and Rsq = 0.054 fl/D. Then for a length of wire 1mm, the total resistance is �ire= 0.054 0/D X 1000/0.4 = 125 fl and the total capacitance is Cwire = 0.2 fF/ µ,m X 1000 µ,m = 200 fF. It is tempting to compute the total RC delay as 0.7 �ireCwire = (0.7) 125 0 X 200 fF = 17.5 ps. However, the actual delay is closer to 10 ps. Clearly, we need an accurate way to compute the delay of such RC ladders. By multiplying �re and Cwire together, we assumed that the response was exponential in nature, as shown in Figure 10.5a. In actual fact, the response of a dis­tributed RC line is given in the graph of Figure 10.5b. The key to developing a con­venient way of computing the delay for a ladder network is to examine the area under the two graphs and establish a relationship between the two responses. The area underneath the curve in Figure 10.5a is called the first moment of the impulse response and is given by 

Figure 10.4 

Area = ( "' e-t/Rcdt = R . C · 
J 

wire wire 
0 

L 

Distributed RC line as a lumped RC ladder. 
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(a) Lumped RC waveform (b) Distributed RC waveform 

Figure 10.S 
Lumped RC versus distributed RC output waveforms. 

This gives us exactly the time constant for a lumped RC circuit. Apparently the area under the curve provides first-order delay information. If we apply this observation to the waveform for the distributed RC given by Figure IO.Sb, we find that the area under this curve is some value which we call T given by 
Area = f' v(t )dt = T 

0 

This quantity is also the first moment of the impulse response but is more com­monly referred to as the Elmore delay by circuit designers. It can be shown that this is the dominant time constant of the network and is a good estimate of the delay. While this value is difficult to compute in general, it is fairly straightforward for RC networks. The Elmore delay for an RC ladder involves visiting each node in the cir­cuit and multiplying the capacitance at that node by the sum of all the resistances from the source node to the node being visited. To further illustrate this procedure, consider the circuit in Figure 10.6. It has an Elmore delay of 
We can examine two extreme cases of this delay value to see if the Elmore delay is consistent. Specifically, if C1 = C2 = 0, then the Elmore delay and the RC time constant are equal to (R1 + R2 + R

3
) C3• Similarly if R

2 
= R

3 
= 0, then the Elmore delay and the RC time constant are both R1 ( C1 + C2 + C3). Since both cases are 
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Example 10.1 

Figure 10.6 

RC ladder for Elmore delay calculation. 

correct, we have some confidence the Elmore delay is a reasonable delay estimator. 
In fact, it is the most popular form of delay calculation for RC ladder and tree cir­
cuits. 

For a general network, we can compute the Elmore delay as 

r; = � ( ck x R;k) 
k 

(10.6) 

where the node of interest is node i, Ck is the capacitance at node k, and Rik is the 
sum of all the resistances in common from the source to node i and the source to 
node k. In other words, we visit each node and multiply the capacitance at that node 
by a resistance value that is the sum of the resistances that are common when we 
draw two paths: one from the source to node i and another from the source to node 
k. The process is best illustrated with an example. 

Elmore Delay of a Simple RC Tree 

Problem: 

Compute the Elmore delay from the input to nodes 1, 2, and 3 in the following RC 

tree. The Elmore delay is not accurate for internal nodes such as node 1. However, 
we are not usually interested in the delay from the input to an internal node in RC 

trees. In any case, write the expression for the time constant due to Elmore for each 
node. 

CD 

s 
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Solution: 

r1 = R1C1 + R1C2 + R1 C3 r2 = C1R 1 + C3R1 + C2 (R1 + R2) 
r3 = C1 R1 + C2R, + C3 (R1 + R3 ) 

10.2.3 RC Delay in Long Wires 

INTERCONNECT DESIGN 

For a long wire, we can compute the RC delay in terms of the total resistance and total capacitance. Consider Figure 10.4 once again. If the total wire length is L, and each segment is /j.L in length, then L = n/j.L. For convenience, set the wire resistance per unit length to R;nt = rand the wire capacitance unit length to Cint = c. The total resistance is l\vire = rL and the total capacitance is Cwire = cL. Using the Elmore delay calculation assuming n segments, we obtain 
TElmore = (rfj.L)(cfj.L) + 2 (rjj.L)(cfj.L) + ... + n(rfj.L)(cjj.L) 

(jj.L)2 rc(l + 2 + · .. + n) 

(jj.L)2 rc(n)(n + 1 )/2 
= (jj.L)2 rcn2 /2 = L2 rc/2 = RwireCwire /2 

(10.7) 

The actual propagation delay value is closer to 0.381\vireCwire which is slightly less than what Elmore predicts, so Elmore can be viewed as being somewhat pessimistic. Note that, according to Equation (10.7), the del ay increases as the square of the length. This alerts us to the fact that long wires will create significant delays. In practice, there must be a buffer or inverter driving the interconnect as shown in Figure 10.7. The driver can be represented as a source voltage and a source resist­ance. The source voltage is either Gnd or Vvv depending on the direction of the switching event. The source resistance is the on-resistance of the buffer. We should always compute the total delay with the buffer attached to the inter­connect. In addition, we must include all fanout loading capacitances on the inter­connect for accurate delay estimation. To simplify the calculation, we replace the distributed RC line with a lumped RC model after computing l\vire and Cwire of the line. There are three forms of RC models as shown in Figure 10.8. While they all 

Figure 10.7 
Driver and interconnect. 
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Rwire 

L-model IT-model 

Figure 10.8 
Three possible lumped RC models. 

Rwire Rwire 
2 2 

� l Cwire 

T-model 

appear to be similar in form, they are not all suitable for the purpclses of delay cal­
culation. We can evaluate each one by computing its corresponding time constant. 

First, the L-model produces a time constant of R.vireCwire· We already know from 
Equation (10.7) that the delay should be R.vireCwire/2 so this model should not be 
used. The second model is the 1T-model where the capacitance has been divided in 
half and assigned to the input and output. The time constant is R.vireCwire/2. The 
third model is a T-model where the resistance has been divided in half and assigned 
to the input and output. Here, the time constant is also R.vireCwire/2. Therefore, the 
L-model is not an accurate model for long distributed RC lines, whereas the 1r-model 
and the T-model produce the correct answer, so they are both suitable for the delay 
calculation. The T-model has an extra node that may increase the number of calcu­
lations. As a result, the 1T-model is the most popular lumped model for a distributed 
RC line. 

Delay with and without Resistance Effects for Short Wires 

Problem: 

What is the propagation delay through the first inverter shown below, ignoring the 
wire resistance? Assume all inverters are equal in size. Include all capacitances and 
use 0.18 µ,m technology parameters. Recompute the delay including interconnect 
resistance. Assume that the metal is Al and that the width of the wire is 0.2 µ,m. ls 
wire resistance significant? 

Parameters: Ceff = 1 fF/µ,m, Cint = 0.2 fF/µ,m, C9 = 2 fF/µ,m. 

- a  
0.8 µm/0.2 µm 

Sm 20 µm 15 µm 

0.4 µm/0.2 µm 
C 

d 

b 
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Solution: 

Fanout capacitance: inverter is driving four identical inverters. 

Cranout = 4 X C9 (WN + Wp) = 4(2 fF/µ,m) (0.8 µ,m + 0.4 µ,m) = 9.6 fF 
Self-capacitance: 

Cself = ceff(WN + Wp) = ( 1  fF/µ,m) (0.8 µ,m + 0.4 µ,m) = 1.2fF 
Wire capacitance: 

Cwire = Cintlwire = (0.2 fF / µ,m) (20 µ,m) = 4 fF 
Total capacitance: 

C,oad = Cfanout + C,e1r + Cwire = 9.6 + 1.2 + 4 = 1 4.8 fF 
Based on this total capacitance, the delay assuming a ramp input is given by 

7' driver = Re�/oad = ( 1 2.Sk) ( � }14.8 fF) 

= ( 12.5k) (�}14.8 fF) = 6.25k( 14.8 fF) = 92.5 ps 

To include wire resistance, we first compute the resistance for the 20 µ,m wire: 

Rwire = Rsq( �) = 54 mil/ X ( i.�::) = 5.4 0 

Next, use 1r-model for the wire: 

6.2s kn 5.4 n 
O---'W\r-.-----,--'\N1r---,----,-o Out 

I .2 fF J 2 fF  J. 
I

9.6 fF 

Use Elmore delay calculation: 

T driver = (6.25 kil) (3.2 fF) + (6.25 kil + 5.4 il) ( 1 1 .6 fF) 

= 92.6 ps 

Conclusion: the inclusion of wire resistance made no appreciable difference to the 
solution. 

The above example illustrates that short wires can (and should) be handled as a 
lumped capacitance with little or no error in the calculations. The definition of a 
short wire depends on the technology but typically wires that are a few microns long 
or as high as 20 µ,m should be handled as a lumped capacitance. Over 90% of the 
wires in a chip are short wires and, therefore, can be computed in this way. 

While the analysis above is appropriate when the length of interconnect is rel­
atively short, it is not appropriate when the interconnect line is long. In this case, 

451 
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Example 10.3 

the wire should be treated as a distributed RC line rather than a simple lumped 
capacitance. Consider the example below that illustrates the impact of a long wire. 

Delay for Inverter Driving a Long Wire 

Problem: 

Consider an isolated metal 5 Al wire that is 20 mm long and driven by a 1 OOX 
inverter (i.e., 100 times larger than the minimum size inverter). Since the wire is iso­
lated, its capacitance is 0.1 fF/ µ,m. Estimate the total line resistance and the total 
line capacitance assuming that the width of the wire is 0.5 µ,m. What is the propa­
gation delay as calculated by Elmore for the 1r-model from the inprt of the inverter 
to the end of the wire? 

Solution: 

The wire resistance is 

(
0.027 0/0

) Rwire = RintL = (20,000 µ,m) = 1080 0 0.5 µ,m 

The wire capacitance is 

Cwire = C;n1L = (0. 1 fF/ µ,m) (20,000 µ,m) = 2 pF 
The inverter on-resistance is 

Reff = Reqn/100 = 12.5 k0/100 = 125 0 

The inverter output capacitance is 

C,elf = Ceff(2W + W) 100 = (1 fF/ µm) (0.6 µm) 100 = 60 fF 

We can ignore the junction capacitance since it is rather small. Using the 1r-model, 
the wire capacitance is split in half while the full wire resistance is used in the 
model. 

125 Q 1080 Q 

l pF l. 

The resulting Elmore delay is 

TEJmore = (125 0) (1 pF) + (125 0  + 1080 0) (1  pf) = 1 .3 ns 

In order to appreciate the large delays associated with long wires, we plot the F04 
gate delay and the wire delay for a number of different wire lengths as technology 
scales in Figure 10.9. As reference points, the F04 delay for 350 nm is approximately 
150 ps; for 130 nm, the F04 delay is reduced to approximately 40 ps; for 65 nm, the 
value reduces to about 25 ps. On the other hand, for L = 1 mm the interconnect 
delay increases from 3 ps, to 27 ps, to 116 ps, respectively. For L = 2 mm the delay 
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Gate delay versus interconnect delay. 
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32 22 

values are 12 ps, 110 ps, and 460 ps, respectively. For L = 3 mm the delay values are 30 ps, 240 ps, and 1035 ps, respectively. The wire delay doubles with each technol­ogy node and increases quadratically as a function of wire length. Clearly, when a single buffer drives a long wire, the interconnect delay will eventually dominate the F04 delay a.s technology scales or as the length increases. We can define a rule of thumb for long wires by setting the F04 delay equal to the interconnect delay in each technology. A critical wire length can be derived as follows: 

:. Lcrit = ) 0.3:��Cint For example, in a 0.18 µ,m technology, the value of Lcrit can be computed using this equation or estimated from the graph in Figure 10.9 to be approximately 2.5 mm. Of course, this value will vary depending on the values of i\nt and Cint for a given wire. 
1 0.3 Buffer Insertion for Very Long Wires 

�: t For very long wires, the quadratic delay characteristics described above cannot be tol-t erated in any design. The interconnect delay would be so long that it would dominate I the gate delay. In ICs, global wires tend to be very long since they must be distributed 
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all overthe chip. These wires are associated with clocks, busses, and other major sig­
nals in the design. Since the delay for a long wire is quadratic with respect to L, the 
standard solution is to insert repeaters or buffers periodically along the wire. This 
effectively shortens the wire into smaller segments. The buffers act to convert the 
quadratic delay to a more linear delay. Of course, if we insert too many buffers, the 
delay increases due to the buffers themselves. But with too few buffers, we are prone 
to the quadratic effect. Finding the optimum number of equal-sized buffers needed 
to minimize the overall delay is referred to as the buffer in sertion problem. 

Consider a wire of length L that has an unacceptably long delay without any 
buffers driving it. If the per unit length resistance and capacitance are given by �t 

and Cint> respectively, the total resistance and capacitance of the wire is given by 
I 

To reduce the delay we seek to insert a number of buffers that produce the mini­
mum delay. Let Nbe the number of such buffers (including the first buffer) and LIN 
be the corresponding wire lengths between buffers as shown in Figure 10.lOa. Each 
segment consists of a buffer driving a wire load and a downstream gate load. A 7T­
model may be used for the interconnect in one segment as shown in Figure 10.lOb. 

L IN  

One stage 
(a) Wire of length L with N buffers inserted 

C L c �n� r. r. load 
(b) One segment of buffer and interconnected 

(c) RC model for one segment 

F igure 10.1 O 
Buffer insertion for very long wires. 
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Assuming that a minimum size buffer is IX, the corresponding input and output capacitances are as follows: 
Cout = CeffW( I + /3) = C/1 + /3) 
Cin = CgW( l + /3) = C 0( 1  + /3) 

(in tF) 

(in tF) 

Here, f3 is the ratio of the PMOS to NMOS device size. The value of C1 is Ce.ff X W, where Wis the size of the NMOS device for a IX inverter. Similarly, Cc is Cg X W. Let the multiplier M represent the optimal buffer size for the buffer insertion problem. Then, for a buffer which is M times larger than a IX buffer: 
Reff = ReqJM 

Gout = Ce.ffW(l + f3)M = C/1 + f3)M 
Cin = CgW( l + f3)M = C0 (1 + f3)M 

In Figure 10. 1 Oc, we illustrate the RC model used for each stage during delay calcu­lation. Using the Elmore delay, the delay for each segment is given by 
R eqn ( C intL ) tsegment = - C,M(l + {3) + --M 2N 

( Reqn R, L ) ( C·  L ) + - + � � + C M(l + /3) M N 2N G 

The total delay is N times the segment delay. After some rearrangement, we find that it produces a quadratic equation with respect to L. 
ttotal = N X tsegment = N(Cc + C,)Reqn (l  + /3) 

( 10.8) 
When we examine each delay term, we find that the first term is due solely to the buffer while the last term is due solely to the interconnect. The middle term has two components: one is due to the wire resistance driving the input capacitance of the next buffer, and a second RC term is due to the buffer driving the wire capacitance. To find the optimal values for N and M, we apply the derivative with respect to each of the variables, as follows. The number of wire segments is 

at I R, C. L2 � = 0 = R (C + C ) ( 1 + /3) - mt mt aN eqn 
J G . 2N2 

:. N = ( 10.9) 
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The buffer size, assuming all buffers are equal, is 

at total = 0 = R- LC (l + /3) _ R eqnCintL 
aM 

mt . G  M2 

f Reqn Cint 
:
. M = \j Cc(l + /3) R int 

(10. 10) 

Using these values of N and M, we can obtain the optimal delay through the inter­
connect. We can further understand these values by examining the total delay equa­
tion provided in Equation (10.8). The variable N exists in the first and last term of 
ttotali the terms are due to the buffer and interconnect, respectrely, each one acting 
as if the other did not exist. If we set these two terms to be equal to one another, we 
arrive at the equation for the optimal N. The expression under the square-root sign 
in Equation (10.9) can be viewed as the interconnect delay (twire according to 
Elmore) divided by the inverter delay when driving an identical inverter (FOl delay). 

The middle term of the total delay expression in Equation (10.8) is dependent 
on M. If we set the two expressions in the middle term to be equal to one another, 
we arrive at the optimal M. This value does not depend on the length of the wire but 
rather the physical characteristics of the transistors and wires. In fact, this quantity 
depends only on technology parameters of the wire and the minimum-size inverter. 
Therefore, we can compute this value once the process parameters have been deter­
mined. Note that precise values of the terms in the expressions are needed to pro­
duce accurate results. 

It is useful to compare and contrast the buffer insertion problem to the logical 
(LE) effort problem described in Chapter 6. For buffer insertion, we are concerned 
with driving a long wire so we break up the wire into segments and insert very large 
equal-sized buffers between the wire segments. For logical effort, the objective is to 
drive a very large output capacitance starting from a small input capacitance. The 
solution is obtained by determining the number of buffers and then sizing up the 
buffers by a given factor, typically by 4X. In LE, the delay through each buffer stage 
is the same at the optimal solution. In the case of buffer insertion, the delay due to 
the buffer and the wire are the same at the optimal point. 

Buffer Insertion Example 

Problem: 

From Example 1 0.3, consider the 20 mm Al metal 5 wire again, but this time reduce 
the delay using optimal buffer insertion. What is the new delay through the wire 
after buffer insertion? 

Solution: 

Using the following values: 

R;n1 = 54 mil/ µ,m Cint = 0.1 fF/ µ,m L = 20,000 µ,m 

Reqn = 12.S kO/D C9 = 2fF/µ,m Ceff = 1 fF/µ,m W = 0.2 µ,m /3 = 2 
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The number of segments in the wire is 

N =  
R;ntCintL 2 /2 - --- - -- - = 6 9 = 7 

Reqn (CG + C1)(1 + /3) 
The buffer size, assuming all equal buffers, is 

R C 
M =  

eqn mt = 1 40 
CG(1 + /3)Rint 

Then, the buffer resistance is 
1 2.Sk fl ,.., R ff = = 90 u  e 1 40 

The buffer output capacitance is: 

C,eit = Ceff(2W + W)140 = (1 fF/ ,um) (0.6 µ,m)140 = 84 fF 
The buffer input capacitance is 
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(fanout = Cg(2W + W)140 = (2 fF/ µ,m) (0.6 µ,m)140 = 1 68 fF 
Each segment produces this RC delay model. 

90 Q 154 Q In o--Wv 
I I 'M I s4 fF 
I J. 143 fF 143 fF J. 

The total Elmore delay is 

I o Out 
r.168 fF 

TEJmore = 7 X [ (90 il)(84 fF + 143 fF) + (90 0 + 1 54il) (1 43 fF + 1 68 fF)] 

= 0.67 ns 
The total delay has been cut in half using buffer insertion. 

1 0.4 Interconnect Coupling Capacitance 

In this section, the issues associated with coupling capacitance are described. The 
goal is to understand the various components of wire capacitance and to develop 
formulas for hand calculation. In reality, IC interconnect structure is three-dimen­
sional in nature as seen in Figures 1 . 1  and 1.2 of Chapter 1. However, for hand cal­
culations, we can· develop simple formulae that work well in practice. Thus far, we 
have been using 0.2 fF/ µ.m for wire capacitance without really knowing its origin or 
range of validity. This section attempts to clarify its origin and justify the use of this 
value from a modeling perspective. 

1 0.4.1 Components of Coupling Capacitance 

In modern integrated circuits, interconnect capacitance modeling is a complex task. 
The capacitance of such wires is dependent on their topology, on the distances from 
other wires above or below, and on the separation between wires. To acquire a basic 
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Area 

W
Fringing 

Grounded 

� 

Figure 1 0.1 1 

Area, lateral, and fringing components. 

understanding of the problem, we can use simple first-order models to describe 
interconnect capacitances and derive useful constants for design purposes. 

Before beginning the analysis, we describe the different components of capaci­
tance. These components are all shown in Figure 10. 1 1. The first capacitance worth 
noting is between a line and the substrate, called the grounded capacitance. This was 
the dominant capacitance in the past, but its value has been diminishing due to scal­
ing effects. The next capacitance to note is between metal lines on the same layer. 
This is called the lateral capacitance. This is the main coupling capacitance that is 
the source of delay and noise issues. This capacitance has been increasing over the 
years. There are two other capacitances that may give rise to coupling between lines. 
One is referred to as the fringing capacitance which occurs between various edges 
and surfaces between two crossing lines. One of many such fringing capacitances is 
shown in the figure.3 The other type of coupling capacitance occurs when two wires 
on different metal layers overlap. It is called the area capacitance. 

Over the years, coupling capacitance has been increasing while the grounded 
capacitance has been decreasing. The general trend is depicted in Figure 10. 12, 
where the coupling capacitance due to area, lateral, and fringing components is 
overtaking the grounded component as the line widths shrink. In a typical 0. 13 µ,m 
design, over 70% of the wire capacitance at a node may be due to coupling between 
wires. This is usually the case for long nets, although short nets may also have sig­
nificant coupling to their neighbors. Most nets have significant junction and gate 
capacitances due to the logic gates that increase the overall grounded capacitance. 
However, the coupling to other nodes is still significant. 

To obtain a quantitative view of coupling capacitance, consider the intercon­
nect structure shown in Figure 10.13. We would like to determine the capacitance 
of the center wire on a component by component basis so that it can be used for 
delay and noise calculations. The capacitances associated with the middle conduc­
tor are given in Figure 10. 13. The dimensions of the wires were shown earlier in Fig­
ure 10.2. The total values of area, lateral, and fringing capacitances are all indicated 
in the figure. The grounded capacitance is treated as an area capacitance since the 
3 Actually, there are many other fringe capacitances that are not shown in the figure to keep it simple. 
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Figure 10.12 
Coupl ing capacitance, grounded capacitance, and total capacitance. 
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Metal 2 ... I ______ __, ___ ,.._ _________ _. 
cA I 

Metal 1 

Ground plane 
Figure 10.13 
Capacitances associated with middle conductor. 

calculation will be the same for both. While the capacitance cannot be exactly par­
titioned as shown, we model it this way for convenience. Once computed, we sum 
them together to compute the total wire capacitance. We now compute each one in 
units of capacitance per unit length. 

The easiest component to compute is the area capacitance per unit length. 
There are two such capacitances, one from the conductor to ground and the other 
from the conductor to Metal 2 above it. This is illustrated separately in Figure 10. 14. 
Assuming silicon dioxide with a dielectric constant of 4 is used as the insulating 
material, each of these capacitances is computed as 

w 
Carea = Box H ( 10. 1 1 )  

The numerical value of this capacitance is 

w w w w 
Carea = B0x H = 4eo H = 4(88.5 X 10-4 ff/ ,um) H = 0.035 H ff/ ,um 
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Metal 2 ._' ---------------------'"' 

Metal 1 w 

H Carea 

Ground plane 

Figure 10. 14  
Modeling area capacitance. 

As W shrinks in value with technology scaling, the area capacitance reduces linearly. 
In 0.18 µm technology, the upper layer of metal would have W = 0.4 µm and H = 

0.5 µm. Therefore, Carea is approximately 0.03 fF/ µm. 
Next, we examine the lateral capacitance. This value can be complicated to com­

pute but there are two limiting situations that lend themselves to a straightforward 
formula. These two situations are shown in Figure 10. 15. When the conductors are 

Metal 2 

Metal 1 TT 

Metal 2 

Metal 1 TT 

Figure 10.1 5 
Modeling lateral capacitance. 

I--! 
S = 4A 

S = 40A 

Ground plane 

(a) 

Ground plane 

(b) 

S = 40A 
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very closely spaced by 4,\, as shown in Figure 10. 15a, the capacitance can be com­
puted using the parallel-plate formula: 

T 
C lateral = Box S (10. 12) 

The capacitance is inversely proportional to the spacing, S. Applying the dielectric 
constant' value to the equation: 

_ T _ T _ _4 T _ T 
C1ateral - B0x S - 4Bo S - 4 (88.5 X 10 fF/ ,um) S - 0.035 S fF/ ,um 

In our generic 0. 18 ,um technology, the upper layer metal has T= 0.8 ,um and S = 
0.4 ,um. Therefore, Ciateral is 0.070 fF/ ,um. When the conductors are spaced out by 
40,\ as in Figure 10. 15b, then Ciateral is 0.007 fF/,um and can effectively be ignored. 

The last capacitance to consider is the fringing capacitance. Again, its complex­
ity prohibits any sort of simplified analysis. However, for hand calculations, it is suf­
ficient to consider two cases as shown in Figure 10. 16. The first case in Figure 10. 16a 
consists of densely packed wires where the lateral capacitance dominates. For this 
case, Cfringe is approximately zero. However, if the conductors are widely spaced, as 
in Figure 10. 16b, there is a fringe capacitance on each edge of approximately 

Metal 2 

Metal 1 rT 

Metal 2 

Metal 1 rT 

Figure 10.1 6 
Modeling fringing capacitance. 

Cfringe = B0x ln ( 1 + !) (10.13) 

Ground plane 
(a) 

Ground plane 
(b) 
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Since T and H are fixed by the technology, this capacitance is almost independent of the topology. While this is not strictly true, it is sufficient for our modeling pur­poses here. We can compute the value of the fringing component as follows: 
Cfringe = e0Jn( 1 + �) = 4 (88.5 X 10-4 fF /  µ,m) ln( 1 + �:: )  

= 0.025 fF /  µ,m 
Now that each of the components has been derived, we are ready to compute the quantity Cini' The total capacitance for the middle wire depends on whether the wires are closely spaced or widely spaced. The case for the closely spaced wires on the upper layers is given by 

Cint = 2 Carea + 2 C'iateral + 2 Cfringe 
= 2 (0.03 ) + 2 (0. 070 ) + 2 (0.0 )  fF /µ,m 
= 0.2 fF /µ,m 

If the wires are widely spaced, we can use the following formulation: 
C int = 2 C area + 2 C fringe + 2 C lateral 

= 2 (0.03 ) + 2 (0.025 ) + 2 (0.0 )  fF /  µ,m 
= 0.1 fF /  µ,m 

Now consider the closely spaced and widely spaced cases for the lower level metal lines. The case for the closely spaced wires is given by 
C int = 2 C area + 2 C lateral + 2 C fringe 

= 2 (0.015 )  + 2 (0.035 ) + 2 (0.0 )  fF /  µ,m 
= 0.1 fF /  µ,m 

If the wires are widely spaced, we can use the following formulation: 
Cint = 2Carea + 2Cfringe + 2C1atera1 

= 2 (0.015 ) + 2 (0.025 ) + 2 (0.0 )  fF /  µ,m 
= 0.08 fF /  µ,m = 0.1 fF /  µ,m 

To summarize, we have considered the 3D capacitances of deep submicron inter­connect and found that upper layers of metal typically exhibit total capacitance of about 0.2 fF/ µ,m for closely spaced lines and 0.1 fF/µ,m for widely spaced lines. The 
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capacitance of wires that are spaced between the two extremes would lie between 
0. 1 fF!µ,m and 0.2 fF/µ,m but the calculations are much more complex. However, 
capacitance extraction tools are available to obtain these components accurately. 
The lower levels 'of metal exhibit wire capacitances of about 0. 1 fF!µ,m in both sit­
uations. Individual values of the coupling capacitances may be estimated using 
Equations (10. 1 1), ( 10. 12), and (10. 13). These first-order equations provide valu­
able insight into the origin and nature of the 3D effects. Worst-case capacitances lie 
in the range of 0.2 - 0.3 fF/ µ,m. We now consider the effect of coupling capacitance 
on delay and noise. 

1 0.4.2 Coupling Effects on Delay 

The RC equations given in Section 10.3 using the Elmore delay did not properly 
take the coupling effects into account. A more realistic situation for delay calcula­
tion is shown in Figure 10.17 where neighboring lines are coupled together. The 
grounded capacitances shown include self-capacitance, fanout capacitance, and 
wire capacitance (to substrate). The coupling capacitances due to area, lateral, and 
fringing effects are actually distributed along the nets. The fact that the coupling 
capacitors exist between all neighboring lines implies that delay is a function of not 
only what is happening on the line of interest, but also what is happening on the 
neighboring lines. 

To understand this effect, consider the case of two adjacent buffers driving their 
respective lines with a single coupling capacitance, as shown in Figure 10. 18. To 
simplify the problem, we ignore the wire resistance and concentrate on the effects 
of coupling capacitance on delay. The line of interest is called the victim net while 
the neighboring line is called the aggressor for reasons that will become clear in 
the descriptions that follow. Consider the delay associated with the switching of net 
2. It is coupled to net 1 with a large capacitor Cc How should the coupling capaci­
tance be handled? One is tempted to connect the other side of the capacitance to 
ground while computing the delay for net 2. However, this may not be correct 
depending on what is happening at net 1. The actual delay depends on whether net 

Figure 1 0.1 7 
Coupling capacitance between lines. 
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Net I 
.::,0.--,---,---- Aggressor 

I· 
Net 2 

.:>o---,----'-- Victim 

Figure 10.18 
Circuit for analysis of coupling delay and noise effects. 

1 is switching from high to low or low to high, or perhaps not switching at all. If it is not switching at all, then it is appropriate to ground the other side of the capaci­tance. This would make the total capacitance at net 2 equal to Cgnd+ Cc That covers only one of the three possible cases that may occur. To complete the story, we examine the total loading capacitance, Cr, of net 2 for a number of different cases. Again, if the neighboring net is stationary, then 
CL = C gnd + C ,  aggressor not switching ( 10. 14) 

since the adjacent net is not switching and the coupling capacitor behaves like a grounded capacitor. If the two nets are switching in the same direction, then 
CL = Cgnd both switching together ( 10.15) 

since net 2 does not have to charge the coupling capacitance. However, if net 1 is switching in the opposite direction to net 2, then we should include the so-called Miller effect. Since net 2 must supply twice the charge on the coupling capacitor to compensate for the switching process: 
CL = Cgnd + 2 C, both switching opposite ( 10.16) 

Even more combinations are possible if there are more neighboring nets. For exam­ple, in Figure 10. 17, net 3 is coupled to net 2 and net 4. Obviously, there are many combinations of switching that result in different values of its Cv In this example, the proper value of CL must be determined after considering 32 possible cases. For n coupled nets, there are 3n possible combinations. The result is that the delay for a net is unpredictable as it may vary from one switching event to another. This is one of the reasons why timing is so difficult to characterize accurately in deep submi­cron technologies. A number of layout-based approaches have been developed to cope with this unpredictable delay, as shown in Figure 10 . 19. One approach is to space out the wires so that the lateral capacitance term decreases. Equation ( 10.12) tells us that 
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(a) Spacing -lower capacitance/larger area 

(b) Shielding - higher fixed capacitance/smaller area 

Figure 10.19 
Spacing versus shielding to reduce coupling effects. 
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there is a 1/S relation between lateral capacitance and spacing, so we can reduce the 
amount of coupling by spacing signals apart from one another as in Figure 10. 19a. 
Of course this will cost area, but it is effective when applied to a subset of the sig­
nals. Another approach is to interleave switching signals with nonswitching signals 
(such as power and ground) wherever possible. This is referred to as shielding as in 
Figure 10. 19b. We can place well-behaved signals on either side of a signal so that its 
delay may be more predictable. However, in this case the total capacitance increases 
since there will always be a fixed capacitance to ground due to the shields. 

Process engineers are also working to reduce the effects of coupling. Typically 
Si02 is used as the insulator in most CMOS processes. It has a relative dielectric con­
stant of approximately 4. If the relative dielectric constant of the insulating material 
could be reduced from 4 to 2, the coupling capacitance would be cut in half. The 
pursuit of these so-called low-k dielectrics has been ongoing for years. Currently, the 
relative constant is roughly 3 but there are many issues to resolve to reach the target 
value of 2. 

Timing verification tools can be used to obtain more accurate delay informa­
tion since they have some notion of when signals switch. These tools require input 
from capacitance extraction tools that provide detailed coupling information. One 
way to characterize the effective load capacitance for these tools is to create a pre­
multiplier for the coupling capacitance called a k-factor.4 Each coupling capacitor 
can be multiplied by this factor to adjust its value according to switching activity. 
This k-factor is nominally in the range O to 2. 

To handle coupling effects, the timing verifier would ground all coupling capac­
itances after taking the k-factors into account. While this is a simplistic solution, it 
is one of the more practical approaches to coupling analysis. Figure 10.20 shows this 
process for a pair of adjacent nets. The load capacitance for net 2 is adjusted by the 
k-factor depending on the switching of net 1. One complication is that the k-factors 
may vary over time due to the switching conditions associated with adjacent nets. 
Fortunately the designer is primarily interested in the worst-case values of k since it 

4 This is not the same as the k used in low-k dielectrics. This one is used to adjust capacitance values taking into account the switching behavior. To distinguish them, we will use the terms low-k and k-factor when ref­erencing them. 
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Figure 10.20 

k = 0 switching in same direction 
k = l aggressor not switching 
k = 2 switching in opposite directions 

Handling coupling using k-factors. 

will produce the worst-case delay values. This also simplifies the analysis signifi­
cantly because it would be impractical to analyze the circuit exhaustively with case­
dependent k-factors. For example, setup and hold time checks are important for the 
timing verification of flip-flops. When checking setup time, the designer uses the 
maximum k-factor on signal nets and the minimum on the clock net. The opposite 
settings are applied for hold time violations. 

If this were not complicated enough, it turns out that the exact timing of the 
aggressor and victim signals also plays a role in the observed delay. Figure 10.21 
illustrates the effect of signal timing in the presence of wire coupling in a SPICE 
transient analysis. The uncoupled waveforms of the victim (net 2) and aggressor 
nets (net 1) are shown along with a second plot of the victim waveform when many 
aggressors switch against it. Because of the early timing of the aggressors, the cou­
pling actually causes capacitive feedthrough in the wrong direction before the 
proper transition begins. The resulting propagation delay in this example doubles 
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when compared to the case without any signal coupling. It is clear that the k-factor 
can lie outside of the range of O to 2 due to feedthrough.5 For the designer, the use 
of structur'-d layout to avoid coupling wherever possible, and careful timing verifi­
cation using k-factors are the two main approaches to cope with this signal integrity 
problem. 

10.4.3 Capacitive Noise or Crosstalk 

The second type of problem is noise injection due to capacitive coupling. This prob­
lem arises when there is a nonswitching net, again the victim net, surrounded by 
aggressor nets that are switching. When the aggressor nets switch, noise is injected 
into the victim line due to capacitive feedthrough effects. We have already observed 
this effect during a transition in Figure 10.21. Here, we consider the case where the 
victim line is quiet while aggressor lines are switching and injecting unwanted noise. 
Depending on the size and duration of the noise, it may act to upset the function­
ality of a design-that is, a "soft" error may occur. Coupling noise at latch or flip­
flop inputs and in dynamic logic circuits is particularly troublesome. Specifically, 
incorrect values can be captured in flip-flops, or voltage levels at dynamic nodes 
may be upset due to noise injection. Noise may also propagate through logic gates, 
assuming that the noise level is high enough. This can cause problems for down­
stream logic circuits, particularly for dynamic logic. Tracking down this type of 
problem in a multimillion transistor chip has consumed many engineers for 
months, often without success. It can also increase the power consumption unnec­
essarily. 

To understand coupling noise, consider Figure 10.22 which depicts our aggres­
sor and victim nets connected only by a coupling capacitance, Cc The feedthrough 
equation for the noise injected from net 1 into net 2 is 

Figure 10.22 
Coupling noise analysis. 

(a) 

C ,Li V1 Li V2 = -----(Cgn<l + C c ) 

(b) 

5 The k-factor actually lies in the range of -1 to 3 when feedthrough is taken into account. 

( 10. 1 7) 
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where A V1 is the voltage transition at net 1 during a switching event. This equation 
was described in Chapter 7 on dynamic logic. If the change on the aggressor net is 
Vvv, then the injected noise is 

·ccVDD A V2 = - - ---
(Cgnd + Cc) 

This first-order analysis is useful in obtaining an idea of the relative magnitude of 
noise due to coupling capacitance. To compute the noise level more accurately, a 
number of other factors must be taken into account such as the driver resistances, 
wire resistance, switching times of the aggressor signals, the switching direction of 
the signals, the slew rates of the signals, resistive shielding of driver, etc. Of course, 
once the noise is injected, the victim acts to restore the original level as quickly as 
possible. Complex situations that include these factors require detailed transient 
simulation in SPICE to obtain accurate results. Linear RC simulators are also useful 
for this purpose. 

In practice, designers try to minimize coupling to neighboring signals to reduce 
noise. This can be accomplished by spacing the signals apart to reduce the Cc term, 
or by shielding signals with Vvv or Gnd, thereby eliminating the Cc term. These two 
approaches were illustrated in Figure 10. 19. 

To summarize, the delay and noise effects are difficult to analyze by hand, 
except for the smallest circuits. Designers must use structured design methodolo­
gies to avoid coupling effects as much as possible, especially when critical nets are 
involved. CAD tools must be used extensively to identify problem areas and apply 
the spacing and shielding approaches to resolve the problems. Process engineers 
must continue to develop low-k dielectric material to further reduce the effect of 
coupling capacitance. Ultimately, signal integrity-aware CAD tools, good design 
practices, and improved dielectrics are all needed to cope with these problems. 

*1 0.5 Interconnect Inductance 

A relatively new and even more complex issue of inductance is lurking around the 
corner as we scale technology and increase the clock frequency. Unfortunately, it 
may become a problem soon if not addressed properly from a design perspective. It 
is interesting to note the order in which we encountered DSM interconnect issues: 
first we experienced the increase in resistance; then, coupling capacitance; and now 
inductance. This order of appearance was quite fortunate since each one is progres­
sively more difficult to understand, extract, or analyze than the previous one. Inter­
connect resistance is easy to understand and is confined to the metal conductor 
experiencing the current flow. Coupling capacitance is an electrostatic phenome­
non between wires in a localized region around the wire of interest. It is clearly more 
complex to analyze than resistance, but still a tractable problem. Inductance, on the 
other hand, is an electromagnetic phenomenon and its effect is not necessarily con­
fined to a localized region. It is more complicated to understand and almost impos­
sible to extract and analyze, except for small sections. Nevertheless, we must under­
stand its effects and explore options to avoid its impact. 
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The first step is to review inductance from an electromagnetic point of view. When current flows through a conductor, it sets up an electromagnetic field around it with, \ flux that stores energy. This flux is linearly related to the current, as follows: 
<p = Li ( 10. 18) 

The proportionality constant is obviously the inductance, L, which is measured in Henrys (H) . As the current changes, the magnetic flux acts on the wire itself and induces a voltage drop. For a linear inductor, we can take the time derivative of Equation ( 10.18) to obtain 
di 

Ll V =  L­
dt 

( 10.19) 
This equation implies that the voltage drop is zero for a de current. That is, the inductor can be treated as a short circuit for low-frequency operation. As the cur­rent demand of a chip increases, the voltage drop associated with the inductor increases. In high-speed designs, the rate of change of current with respect to time is increasing rapidly. Therefore, inductance effects are especially important at the package pins and in the power distribution system. We will examine this issue in more detail in Chapter 1 1 .  Signal lines are also beginning to exhibit increased effects of inductance. It is important to realize that interconnect is really a distributed RLC line, not simply a distributed RC line. As such, it behaves like a transmission line under certain cir­cumstances. We now elaborate these circumstances and describe how the induc­tance effects modify the delay equation. We will use �nt> Cint> and Lint to represent the resistance, capacitance, and inductance per unit length, respectively. An estimate of the inductance per unit length can be obtained from a well-known relationship in electromagnetic theory 

( 10.20) 
where the insulating material is assumed to be oxide with permittivity, e0x, and per­meability, µ,ox· This equation only applies to a conductor that is completely sur­rounded by a uniform dielectric, but it is useful in obtaining first-order inductance values. Assuming that Cint = 0. 1 fF!µ,m, e0x = (4) (8.85 X 10- 14 Flem) and µ,0x = 12.6 X 10-7 Wb/amp, then Lint = 0.45 pH/µ,m. This is a very crude estimate but does provide the correct order of magnitude for inductance. In Figure 10.23, a lumped model of the RLC line is shown. We can analyze this simple circuit to develop some intuition before proceeding on to the distributed line. First, consider the complex impedance associated with the resistance and inductance of the signal line 

ZRL = R + jwL ( 10.2 1 )  
where w = 21rf is the signal frequency in radians/second. If R >> jwL, then Equa­tion ( 10.2 1)  tells us that inductance is not important. If R< jwL, then inductance 
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� c  I 
Figure 10.23 
Lumped model of RLC interconnect. 

effects will be observed in the signal line. In the past, the resistance was larger than the reactive component so that RC effects were dominant. In recent years w has been increasing significantly in very high-speed designs to the point where the reactance term is important. At the same time, process engineers and designers have been working to reduce wire resistance. First, the resistance of the metal lines has been reduced with the introduction of copper as a replacement for aluminum. Second, certain signals use very wide wires to lower the resistance significantly. This reduc­tion in resistance combined with an increase in the operating frequency has made the reactive term non-negligible in certain signals. Interestingly, while inductance values have not increased over the years, the increase in frequency and decrease in resistance have combined to raise concerns about inductance. The above analysis is somewhat localized to the interconnect itself. When con­sidering the significance of inductance, it is important to consider both wire resist­ance and the on-resistance of the buffer driving the wire. In most cases, the buffer resistance is very large ( on the order of kilo-ohms) and will dominate. That is, 
Rbuffer + Rwire >> jwL 

Therefore, we should be able to ignore self-inductance for most signals on the chip. Of course, if the buffer is large and the wire is wide, we would have 
Rbuffer + Rwire < jwL (10.22) 

and inductance would be noticeable. This is most prominent in clock lines. There­fore, the delay should be computed using RLC delay equations. Next, we include capacitance in the analysis. The lossless transmission line of Figure 10.24 has inductance and capacitance but no resistance. It is driven by a volt­age source Vs with a source resistance of Rs. Since the interconnect has no resis­tance, it can be represented by a characteristic impedance of Z
0 given by 

Zo = re \JC: 
When we apply a step input to the interconnect, the response depends on the rela­tive values of Rs and Z

0
• When the resistance is much greater than the characteristic impedance, i.e., Rs >> Zo, the RC effect will dominate the transient response. We expect an exponential response given by 

V (t) = 1 - e-t/RC 
out 
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I 

Rs >> Zo 
I� -----------------------------=-�-�--�-��������� 

0.9 

0.5 

0. 1 

Figure 10.24 
Responses of RLC interconnect. 

tr . I 

As shown in the figure, the propagation delay, tp, and rise time, tr, are rather large. 
However, if R

5 
< Z

0
, inductance effects will be important and we obtain an 

oscillatory response within an exponential envelope. The response has a general 
form given by 

where r, a, b, and c depend on the RLC values. The figure illustrates the nature of 
the response. Note that ta and tr are much shorter in this case, but the tradeoff is a 
relatively large overshoot and undershoot of the waveform, and a longer settling 
time, t5• These delay values can be computed from the response equation above. 

471 ! 
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Finally, we consider a lossy transmission line where distributed effects are taken into account. For this case, the length, l, of a distributed RLC line plays a role in whether it exhibits the effects of inductance. In particular, as a signal propagates down the wire, it experiences a certain degree of attenuation due to wire resistance. When it reaches the end of the wire, it reflects off the load impedance and propa­gates back toward the source. This reflected signal is also attenuated as it travels back down the wire. The interaction of the forward and backward propagating signals leads to the ringing effects observed in Figure 10.24. If the wire is very long, then inductance effects will not be observed due to signal attenuation. A standard deri­vation can be used to find the maximum length at which inductance effects occur 
Zuiax < � {r;;:; 

Rint\J C: 
( 10.23) 

Qualitatively, this tells us that as the resistance per unit length increases, the length over which inductance is important decreases. The transition time of the signal at the output of the buffer also controls the transmission line effect. If the round-trip of the signal down the line and back to the buffer is short relative to the rise time, it does not have a significant transmission line effect. The round-trip time is given by 
( 10.24) 

The quantity T
0 

is referred to as the time-of-flight. If the rise time (or fall time) is shorter than twice the time-of-flight, we will observe the transmission line effects. Therefore, we require that 
tr < 2ZYLintcint 

In terms of l, this translates to a minimum length of 

Combining the results of Equations (10.23) and ( 10.26), we find that 
tr l 2 �int 

--=== < < - -2YLintcint R int Cint 

( 10.25) 

( 10.26) 

( 10.27) 
This result tells us that the wire must be larger than the length specified by tr/2 YLintCint but smaller than the value specified by (2/ Rint) YLinJ Cint for induc­tance to be important in delay calculation. We should view these results as being more qualitative than quantitative since the terms in the equations are difficult to compute with great precision. Furthermore, the effect of buffer resistance must also be considered to obtain accurate results. What makes the inductance problem particularly difficult is that, fundamen­tally, inductance can only be defined for a closed current loop, not simply for a seg-
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ment of wire. The inductance of the loop is proportional to the area of the loop. 
Knowing the forward path of the current is not sufficient; the return path must also 
be idfntified. This is not easy to determine for most signals. In the past, the return 
path was assumed to be in the substrate. For high-speed designs, the return path 
often occurs in the power and ground distribution systems, and even in other sig­
nal lines. Worse yet, there may be multiple return paths, some through 
power/ground rails, and others through signal lines that are not close to the signal 
of interest. The extraction of inductance values is difficult since the effect of induc­
tance is not confined to a localized region around the conductor. 

More problematic is mutual inductance since it causes noise and delay effects on 
unsuspecting neighboring lines in unexpected ways. This type of problem is a grow­
ing concern for most integrated circuit designers, as it is difficult to extract and ana­
lyze. Mutual inductance refers to time-varying current in one line giving rise to a 
voltage drop in a second line. Two RLC lines are coupled via mutual inductance, as 
follows 

di1 di2 
v1 = L 1 dt + M

dt 
(10.28) 

where L1 and Lz are the self-inductances of the two wires and Mis the mutual induc­
tance between the two wires. When a current flows in one line, it induces a return 
current in the other line due to its mutual inductance. The voltage drop on each line 
is the sum of the drop due to its self-inductance and its mutual inductance with the 
other line. This effect can occur over distances of 100 µ,m or more and create func­
tional failures that are intermittent in nature. The details of mutual inductance 
effects, while important in future technologies, are beyond the scope of this book. 
The interested reader is encouraged to consult the references at the end of this chap­
ter for further information. 

To summarize, self and mutual inductance effects have been observed most fre­
quently in clocks and busses. Clocks are prone to self-inductance effects whereas 
busses are more likely to experience mutual inductive effects. To limit the effects of 
self-inductance, wire lengths can be kept within the boundaries suggested by Equa­
tion ( 10.27). For mutual inductance, shielding techniques of the form shown in Fig­
ure 10. 19 can be used to limit its effects. 

*1 0.6 Antenna Effects 

Another important issue associated with interconnect is the antenna effect. This is a 
reliability issue that may destroy the thin-oxide of transistors during fabrication or 
modify the threshold voltage of devices. During the fabrication process, charge builds 
up on each metal layer during plasma etching, sputtering, or chemical-mechanical 
polishing (CMP). This phenomenon is referred to as an antenna effect since charge is 
attracted to each metal layer like an antenna. Since Q = CV, the accumulated charge 
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creates a potential difference across the gate oxide of a MOS transistor. When too 
much charge accumulates on the gate, the voltage drop across the oxide damages the 
transistor by shorting the gate to the substrate. A less dramatic, but still undesirable, 
effect is a shift in the Vy due to injection .of mobile carriers into the oxide through 
Fowler-Nordheim tunneling. 

The antenna effect manifests itself as an interconnect design issue since the 
metal layer selection and routing determine the impact of this phenomenon. When 
Metal 1 is processed, its charge buildup is rather small since the lengths of the wires 
associated with Metal 1 tend to be short. As we add more and more layers, the area 
tends to increase since the wires are longer and thicker. Higher levels of metal have 
more surface area and therefore accumulate more charge, so they tend to be more 
troublesome with respect to the antenna effect. If a transistor survives the process 
on a given layer, that layer does not play as significant a role in the antenna effect 
during subsequent processing operations. Therefore, we usually assess antenna 
problems for each metal segment in each layer separately. 

The antenna rules specify maximum allowable ratios of metal ( or poly) area to 
gate area for each layer. 

. Areametal Antenna Rat10 = ---
Areagate 

(10.29) 

For example, if the antenna ratio is set to 100, the area of a metal line would have to 
be 100 times larger than the gate area for an antenna rule violation to occur. There 
is a different ratio for each metal line. The design-rule checking (DRC) tools can 
check to see if each wire segment on each layer causes a violation, and flag those that 
are potential problems. For threshold voltage shifting, all metal layers connected to 
a gate need to be combined to obtain Areametal in Equation (10.29). 

An example of the antenna effect is shown in Figure 10.25. Relative to the indi­
cated device, poly, Metal 1, or Metal 2 may act to damage the gate region. For exam­
ple, when Metal 1 is deposited and polished, charge develops on it and builds up a 
potential difference that could damage the oxide of the indicated transistor. If it tol­
erates the voltage level, then the corresponding Metal 1 segment is not considered 
to be a problem in the rest of the processing sequence. However, when the next layer 
of metal is applied, the corresponding charge on this second layer alone is checked 
against its antenna ratio. A more conservative approach recognizes that process 
induced damage is a cumulative effect. In that case, the total area of poly + Metal 1 
+ Metal 2 is divided by the gate area for the antenna check. 

A number of different approaches have been used to avoid antenna effects. First, 
the insertion of diodes along the wire can be used to discharge the metal lines dur­
ing the processing sequence. This approach is illustrated in Figure 10.26 where a pn 
junction has been connected to Metal 1. The job of this diode is to discharge each 
layer of metal as it is deposited so that the transistor does not see any significant volt­
age drop. It is reverse-biased and harmlessly removes charge as it accumulates. 

The use of antenna diodes is very effective but presents some practical prob­
lems. Diodes cost area and their location must be decided based on the metal struc­
ture. Ideally, the diode should be near the transistor gate as shown in Figure 10.27. 
There is already a reverse-biased junction at the output of the inverter, but the 
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Antenna effects during IC processing. 
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Figure 10.26 
Antenna diodes to discharge metal lines. 
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4 3 3 Should put antenna diode here 
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Figure 10.27 

Keep area of upper layer metals small near next transistor Junction diode 

Proper placement of antenna diodes. 

antenna diode is needed near the transistor gate as shown. Note that as each layer 
in the example is deposited, the far-end transistor must be able to handle all the 
charge accumulation on each successive layer in this configuration. Therefore, the 
far-end metal lines must be kept short or we must place diodes near the transistor. 
However, it would be too expensive in terms of area to place diodes near all transis­
tor gate inputs, or embed the antenna diodes inside cell libraries. It should only be 
used where absolutely necessary. This involves a complete DRC verification of the 
entire layout to identify the locations that are appropriate. The second issue is to 
define the area of the diode. This depends on the area of the metal segments that it 
supports. If large diodes are used unnecessarily, area may be compromised. 

A second approach is to break up long wires with buffer insertion. This will 
reduce the total area available for charge accumulation and increase the transistor 
gate area, thereby reducing the total charge on each metal line. Of course, such a 
process is already carried out as part of reducing the RC delay, but we obtain a side 
benefit of a reduction of antenna effects. We must still verify that no segment cre­
ates a problem, but we will definitely reduce the number of violations after buffer 
insertion. 

A third approach is to create metal jumpers from one level to the next to break 
up the lines near the far-end of a wire. This is illustrated in Figure 10.28. In this case, 
we show a Metal 1 wire that violates the antenna ratio. A seemingly unnecessary jog 
to Metal 2 is introduced near the gate of the transistor to avoid the total charge of 
Metal 1 .  Recall that, when the processing steps are applied to introduce the vias, the 
charge of Metal 1 is removed. Therefore, the transistor will only experience the 
small charge from the Metal 2 segment. The additional resistance and capacitance 
of the vias and Metal 2 segment are usually negligible. 

In summary, the proper solution to the antenna problem depends on the phys­
ical design methodology, tools, and engineering tradeoffs associated with the 
design. All of the above solutions are viable if carried out with careful considera­
tions of the tradeoffs. In advanced processes, diode and buffer insertion appear to 
be most helpful. Hopefully, tools of the future will automatically take care of this 
issue on behalf of the designer. 
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Figure 10.28 
Metal l ine jogs to avoid antenna effects. 

1 0.7 Summary 

Interconnect data: 

(a) 0. 1 8  µ,m 5-layer aluminum process: p = 2.7 µ,il-cm; Metals 1-4, T= 
0.5 µ,m, H = 0.5 µ,m, Wmin = 0.3 µ,m; and Metal 5, T = 1 µ,m, H = 0.5 µ,m, 
w

min = 0.4 µ,m 

(b) 0.13 µ,m, 8-layer copper process: p = 1.7 µ,il-cm; Metals 1-6, T= 0.4 µ,m, 
H =  0.5 µ,m, Wmin = 0.2 µ,m; and Metals 7-8, T= 0.8 µ,m, H =  0.5 µ,m, 
w

min = 0.4 µ,m 

Wire resistance calculations: 

pL pL R = - = -A TW p 
Rsq 

= 
T 

p 2.7 µ,il-cm R = - = = 54 mil/D Al Metals 1-4 
sq T 0.5 µ,m 

p 2.7 µ,il-cm R = - = = 27 mil/D Al Metal 5 
sq T 1 .0 µ,m 

p 1.7 µ,il-cm 
/ Rsq = T = = 42 mil D Cu Metals 1-6 

0.4 µ,m 

p 
Rsq = T 

Elmore delay calculation: 

1. 7 µ,il-cm 
/ · ---- = 21 mil D Cu Metals 7-8 

0.8 µ,m 
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Optimal buffer insertion: 

Number of stages N = 

Size of buffers M = 
C G(l + /3)Rint 

Coupling capacitance: 

Clateral = Box S 

Cfringe = B0x ln( 1 + !) 
Coupling capacitances in delay calculation: 

aggressor not switching 

Cr = Cgnd both switching together 

CL = C gnd + 2 Cc both switching opposite 

Crosstalk noise: 

Self-inductance: 

Mutual inductance: 

di A V = L­dt 
di, di2 

v1 = L1 dt + Mdt 

di, di2 
V2 = M

dt + L2 dt 

Conditions where inductance should be considered in delay calculation: 

Rbuffer + Rwire < jwL 
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PROBLEMS PIO.I .  Compare the resistance of a 20 mm Metal 5 wire in 0. 18 µ,m technol­ogy with a 20 mm Metal 8 wire in 0.13 µ,m technology (a non-scaled wire). Use the information provided in the Summary section. Com­pute the delay for each wire assuming an ideal source and a wire capac­itance of Cint = 0.1 fF!µ,m. 

PI0.2. Compare the resistance of a 20 mm Metal 5 wire in 0. 18 µ,m technol­ogy with a 14 mm Metal 8 wire in 0.13 µ,m technology (a scaled wire) .  Use the information provided in the Summary section. Compute the delay for each wire assuming that the wire capacitance is Cint = 0.1 
fF!µ,m. 

PI0.3. Two adjacent Metal 5 wires in 0.18 µ,m technology are spaced out from 4A to 40A in 4A increments. Plot the capacitance per unit length of these wires as a function of spacing, assuming that they are shielded above and below. Use minimum width dimensions for the wire. 
PI0.4. Simulate a distributed RC line as an RC ladder circuit in SPICE with 1 stage, 3 stages (as shown in Figure Pl0.4), and 20 stages. You can choose your own sizes but ensure that the total resistance and total capacitance are the same in all three cases. Measure the propagation delay for the three cases when a step input is applied at the source. Derive a delay formula of the form: 

7 = aRwire Cwire 

and compute a for the three cases. Comment on the results. 
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Figure P10.4 

PI0.5. Repeat the same experiment as described in Problem Pl0.4 but this 
time use each of the following three models shown in Figure Pl0.5 in 
place of the RC ladder. Which model produces accurate results? 

Rwire 

L-model II-model 

Figure P10.5 

Rwire Rwire 
2 2 

I 
Cwire 

T-model 

PI0.6. Simulate the RC circuit shown in Figure Pl0.6 using SPICE. Set R1 = 
R2 = R3 and C1 = C2 = C3• Compare the Elmore delay with the delay 
derived from SPICE. How accurate are the results for each node using 
Elmore? Explain why any particular result is not accurate. 

R3 

R1 R2 0) IC3 

J
c1 I C2 

-

Figure P10.6 

PI0.7. Wires can be placed into short, medium, long, and very long cate­
gories. Establish rules of thumb for a Metal 5 wire in 0. 18 µ,m tech­
nology that quantify each of these categories based on the following 
definitions: 
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(a) Short wires do not require any resistance or capacitance calcula­
tions if they contribute less than 5% to the delay. What is the max­
imum short wire length? 

(b) Medium wires must include capacitance in the delay calculation, 
but do not require any resistance information. What is the maxi­
mum medium wire length? 

( c) Long wires require both resistance and capacitance information 
but do not require buffer insertion. What length of wire can 
remain unbuffered? 

(d) Very long wires require buffer insertion. 

PI0.8. Figure Pl0.8 shows a circuit that has two interconnect lines with a 
large coupling capacitance between them. 

Figure P10.8 

(a) Estimate the peak value of noise on the victim line when the 
aggressor line switches by 1 .8V. 

(b) What is the effective capacitance loading on the victim for delay 
calculation if the aggressor switches in the opposite direction of 
the victim? 

Net 1 
»--.---r-- Aggressor 50fFI 

lOOfF 

Net2 :::,0.--,---.J__- Victim 60fFI 

PI0.9. For a 0. 13 µ,m technology, estimate the range over which inductance is 
important assuming a Metal 8 wire. You can assume typical numbers 
in the given technology. How does this range compare against the crit­
ical length in the same technology? (See Section 10.2.3.) 

PI0.10. The amount of noise injected on a wire depends on the strength of the 
driver, rise time of the aggressor, as well as the percent of the total 
capacitance that is due to coupling. Create a simple RC model based 
on Figure Pl0.8 that you can use to help you estimate the size of noise 
caused by the coupling. 

PIO.IL Compare the number of repeaters required in a 0.18 µ,m technology 
versus a 0.13 µ,m technology for a 10 mm wire. Use the top layer of 
metal and the standard technology parameters to compute the numbers. 
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Pl0. 12. Consider an 18 mm Metal 7 wire in a 0. 13 µ,m technology. Assume the 
wire is 0.4 µ,m wide and 0.8 µ,m thick with a spacing to adjacent wires 
of 2 µ,m. The height above and below to Metal 8 and Metal 6 is 0.5 µ,m. 
Assume Cu for interconnect (p = 0.017 fl-µ,m) and a low-k dielectric 
material (Er = 3.0). Assume a worst-case coverage of Metal 6 below, 
Metal 8 above, and Metal 7 for adjacent lines that are shielding the wire 
of interest. 

(a) Compute the resistance per unit length and capacitance per unit 
length for this wire. 

(b) Estimate the delay of the distributed RC wire, assuming that the 
driver is a perfect voltage source and that the load capacitance is 
50 fF. 

( c) Assume that the wire is being driven by a 25X inverter. What is the 
new delay? 

(d) Now, assume that the inductance is 0.5 pH/µ,m. Will the induc­
tance be a factor in the delay calculation for this buffer size? Com­
pare hand analysis with results in SPICE. 

(e) Now remove the 25X buffer and perform buffer insertion on this 
wire using the standard formulas. Should inductance be a factor 
for the new wire lengths? Compare your hand analysis with results 
from SPICE. 
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11.1 Introduction 

i 

'i . 

In this chapter, we address two chip-level design challenges that are dominated by 
interconnect issues: power and clock distribution. Here, the word poweris intended 
to mean the power and ground distribution systems, which include Vvv and Gnd 
(or V55). The power supply, up to this point in the book, has been assumed to be a 
constant value that is available everywhere on the chip. However, it must actually be 
routed from the power pads to the gates, memory circuits, and all other functions 
on the chip. Furthermore, its value fluctuates over time, depending on the switch­
ing activity on the chip. These variations in the voltage must be tolerated by the 
gates on the chip. The same applies to the clock signal. It has been assumed to be 
available at all required points on the chip with a well-defined clock period. How­
ever, it too must be routed from the clock source or root node to the appropriate 
destinations inside the chip. It also has some variability in its period and arrival 
times across the chip that must be tolerated by the logic circuits. 

Power distribution and clock design are now complex tasks that must be done 
with great care in deep submicron technology. Gone are the days of simply laying 
out metal tracks for the power supply or running a clock signal to all the flip-flops 
in the design. Today, many issues come into play and affect the integrity of the 
power grid or the clock network. This chapter addresses many of these issues, 
although it is difficult to completely describe all of the issues and their interactions 
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in a single chapter. The chapter will highlight the interaction of the power system 
with the clock design. Many design groups work on power system and clock design 
together so that the complete problem is properly addressed. We will also address 
clock generation and phase-lock loop (PLL) circuits as part of this chapter. 

11.2 Power Distribution Design 
Power distribution, when considered in its entirety, actually involves on-chip and 
off-chip issues starting from off-chip de-de converters, printed circuit boards 
(PCBs), power planes, packages, sockets, power pins or solder bumps, and finally 
the connection to the gates. Proper power grid design requires interaction of system 
designers, thermal designers, system architects, board designers, and chip designers. 
The problem demands global optimization rather than localized chip-level opti­
mization. This section will focus on the chip-level issues, but the reader should keep 
in mind that this is only one part of the complete design problem. 

Much of the complexity of power distribution systems arises due to the large 
number of transistors on a chip, the RLC nature of interconnect, the frequency of 
operation, and the current demand of high-speed circuits today. The highest fre­
quency of operation is well over I GHz, while power has exceeded 100 Wand cur­
rent levels have reached 100 A in state-of-the-art designs. Meanwhile, supply volt­
age scaling to reduce power has led to Vvv values of 1.2 V and below. Fluctuations 
in the power system at these levels lead to timing variations and, eventually,design 
failure. Allowable voltage noise in the supply is budgeted at ±10% X (Vvv - Gnd) 
as a rule of thumb. 

In order to manage fluctuations, the total impedance seen from the Vvv pads to 
the gate connection must be controlled based on the needed current. The target 
impedance of the power grid as seen from the pads is given by 

Vvv X (fractional noise budget) z=---==------'----------"-~ 
IDD 

(11.1) 

For a supply voltage of V00 = 1.2 Vanda supply current of I0 v = 100 A, Z = 
1.2V X (10%)/100 A= 1.2 mO. This is an incredibly small number to achieve over 
the gigahertz frequency range and makes power distribution design very challenging. 

The noise on the supply is primarily due to IR drop and Ldi! dt as will be 
explained later. At this stage, it is sufficient to realize that voltage drops occur on the 
power grid due to the resistance and inductance along the current path. These volt­
age drops affect clock skew, gate performance, and clock and PLL timing jitter. 

There are also issues of power grid electromigration that affect long-term reli­
ability. The metal migrates due to the eroding effects of large currents and eventu­
ally breaks. Ultimately, the power system design will limit the system performance 
and may lead to failures in the field. Therefore, it must be designed carefully to avoid 
such potential problems that are collectively called power integrity issues. 

/ One approach that has been used in the past is to overdesign the system to avoid 
any potential failures. Overdesign is a term used often by designers when design risks 
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are removed by going well beyond the needed safeguards and recommended guide­
lines. One example of this is the use of decoupling capacitance on the chip to con­
trol IR and Ldi! dt In the case of overdesign, most of the available area would be 
committed to decoupling capacitance rather than to devices. However, there is a 
large area penalty associated with this overdesign ( and an even larger one for under­
design-nonworking chips!) so it is important to understand the key issues and 
make the proper tradeoffs wherever possible. With this brief overview, we now 
describe the main issues in power system design and then examine a few basic struc­
tures of the power distribution system. 

11.2.1 IR Drop and Ldi!dt 

The conditions contributing to the complexity of power distribution systems are 
primarily due to interconnect and its impact on chip performance. IR drop due to 
resistance on Vvv lines impacts overall timing and functionality. These effects are 
made worse by the presence of Ldi! dt voltage variations at package pins due to the 
increased rate of change of current in high-speed designs. Together, the total volt­
age drop at any point in the power grid is given by 

di 
V= IR+ L­

dt 
(11.2) 

We consider each of these effects separately starting with IR drop. The basic concept 
of IR drop is illustrated in Figure 11.1, which depicts two large buffers connected to 
a resistive power supply. Initially, all voltage levels in the power grid are at VDD· As 
the large driver, inv2, begins to switch, the demand for current reduces the voltage 
in the power grid. Specifically, the wire resistance creates voltage drops that increase 
as the current moves from the external supply toward inv2. The voltage remains rel­
atively high near the Vvv connection at the periphery of the chip, and drops by -6. V 
at the connection to inv2. In practice, IR drop is caused by simultaneous switching 
of clock buffers, bus drivers, memory decoder drivers, etc. These simultaneous 

invl inv2 

Figure 11.1 
IR drop in power distrib~tion system. 
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switching events can occur anywhere on the chip and, therefore, all regions are sus­
ceptible to IR drop violations. The ground grid is subject to the same type of prob­
lem when the outputs switch low, except that the value will increase in voltage. This 
is sometimes referred to as ground bounce. 

Voltage drops on the power grid primarily affect timing. The effect of IR drop 
on performance can be significant. IR drop reduces the drive capability of the gates 
and increases the overall delay. Typically, a 5% drop in supply voltage can affect 
delay by 10-15%, or more. Such an increase becomes serious when managing clock 
skews in the range of 100 picoseconds. In the previous chapter, we found that path 
delays are no longer predictable due to interconnect issues. This problem is exacer­
bated by IR drop. Ideally, timing calculations should account for worst-case IR drop 
to ensure a working design. The analysis can be carried out using process corner 
simulation, as described in Chapter 3. 

IR drop also compromises the noise margins oflogic gates, due not only to volt­
age drop in the power grid, but also to the increase in voltage in the ground grid. 
Once the noise margins drop below the budgeted amount, typically 10%, the design 
is not guaranteed to operate properly. Over the years, supply voltage has been 
shrinking to avoid transistor punch-through conditions, hot-electron effects, and 
device breakdown. More recently, Vvv scaling has been driven by the need to reduce 
power dissipation rather than the other issues. Either way, this has resulted in 
smaller and smaller noise margins. With IR drop, the margins are reduced even fur­
ther which makes it more difficult to manage the effects of interconnect coupling 
noise in a multimillion-transistor design. 

Now consider the Ldi/dtterm of Equation (11.2). This is another source of volt­
age drop in the power supply due to package pin inductance-typically around 
1-2 nH. The inductance arises from the bonding wire used to connect the chip 1/0 
pads to the lead frame in a traditional dual-inline package (DIP), as in Figure 11.2a. 
While the inductance L has not changed significantly over the years, the value of 
di! dt has continued to increase and the supply voltage has been decreasing from 5 V 
to 3.3 V, 2.5 V, 1.8 V, and recently 1.2 V and below. These trends have reached a point 
where the Ldi! dt drop can contribute significantly to an overall voltage drop in the 
power grid, especially in peak demand situations. 

Today, many companies have moved to a ceramic ball-grid array (BGA) pack­
aging due to the high number of chip 1/0 and power and ground connections 
needed. In this packaging technology, solder balls or bumps replace the pins of the 
DIP as shown in Figure 11.2b. The bumps can be placed anywhere in the chip area 
and allow 300 to 500 I/0 connections. This is a more expensive solution but must 
be used whenever the 110 count exceeds the capacity of the previous packaging 
technologies. The inductance of each solder bump is of the order of 0.1 nH. 

Consider the example of Ldi! dt on the BGA package option shown in Figure 
11.3. Here, the power supply is driving a few large inverters and we assume that the 
resistance of the line is zero. The inductances of interest are the ones due to the sol­
der bump and via connecting from the bump and the package plane (providing 
clean power). A current level of25 mA is supplied by V00 and flows into the circuit 
over a I 00 ps time interval. At this same time, some of the buffers are discharging 
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(a} Dual-inline packaging 

Flip-chip solder bumps 
Chip 

Board 

(b) Ball grid array packaging 

Figure 11.2 
Chip packaging options. 

Package via 
and bump 

0.2n~ 

Vss _ _rmr,_-1 ____ J_ ____ _J 

0.2nH 

Figure 11.3 
Effect of o~-chip inductance. 

through V ss with roughly the same level of current in the same time period. If the 
bump and via generate 0.2 nH of inductance, then the total voltage drop due to the 
inductance on both rails is 

di 25 mA 
Vi= 2 X L-d = 2 X 0.2 nH X = 100 mV 

t 100 ps 

This is a significant drop considering that the supply voltage may only be 1.2 V. Fur­
thermore, this is only one of the voltage drops to consider. If the inductance of the 
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L 
Vvv 

-c R L C .,.. 

L 

-

Figure 11.4 
Combined resistive and inductive effects of power/ground system. 

power system is included, we will begin to observe Ldi/ dt effects due to the power 
grid itself, in addition to the pin inductance. We also neglected the resistance of the 
power grid, and the fact that many other buffers may be switching at the same time. 

The overall voltage drop due to both Ldi/ dt and IR, which are both dynamic 
phenomena, requires the modeling approach shown in Figure 11.4. The packaging 
inductances, power grid inductances, and power grid resistances must all be con­
sidered together with an RLCmodel of interconnect. Of particular concern are sit­
uations that give rise to simultaneous switching noise (SSN) where many buffers 
switch together producing large IR drops and ground bounce. 

11.2.2 Electromigration 

The high currents experienced in the power grid also induce electromigration (EM) 
effects where metal lines begin to migrate and eventually break during the opera­
tion of the chip. The process involves the migration of metal molecules due to the 
high current densities and narrow line widths leading to a short or open in the metal 
line. Once this occurs, the chip may not function as expected or may no longer meet 
the timing specifications. Existing cracks or other imperfections in the metal lines 
are particularly prone to this problem since they are already weak links in the power 
system. Failures due to EM can be catastrophic because they occur in the field when 
the chip is in a system and in a customer's hands. 

An example of an electromigration failure is shown in Figure 11.5. ln the past, 
low current densities and wide metal lines, combined with special processing, 
reduced the likelihood of EM. As we exceeded speeds of 100 MHz, and reached 
geometries below 0.8 µ,m, the potential for EM problems increased in aluminum. 
One of the reasons for switching to copper was its superior performance with 
respect to electromigration. Cu is approximately 10 times better in terms of EM 
than Al, but Cu diffuses quickly through oxide and it was not used in ICs because 
of this problem. However, advances in processing technology to solve this problem 
led to the eventual switch from Al to Cu. Initial EM results of Cu indicate that it is 
slightly better than Al, but large improvements are expected as the technology 
matures. Unfortunately, today the copper vias experience a greater degree of EM 
failures compared to the tungsten vias used with aluminum. 
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nl 

n8 

T n7 

Figure 11.5 
tlectromigration failure in power bus. 

Electromigration in the power grid is a function of the average current flow in 
metal lines and vias. Current flows primarily in one direction in each power bus, 
since it is delivering current from the power pad to the gate in the case of Vnn (see 
Figure 11.1). Therefore, it is called a de phenomenon. To assess the EM tolerance of 
a piece of metal, we can examine its average de current density, J, and compare it to 
some allowable level, lmax• when EM failure occurs. Since metal lines vary in height 
and material properties at different levels in the design, each metal layer may have a 
different failure criteria. 

It is useful to characterize the lifetime of a chip due to long-term reliability 
problems through a metric called the mean time to failure (MTTF). If the value of 
MTTF is 5-10 times greater than the expected lifetime of the product in which the 
chip is embedded, then we can safely ship the design to customers. However, if the 
chip lifetime is less than the product lifetime, improvements to the design must be 
made. Black's law is used to estimate MTTF of a metal line using the average cur­
rent density, J, and the activation energy1 of the failure, /iH: 

MTTF = ;, exp(/iH/kT) (11.3) 

1 Electro migration is modeled as a diffusion process that is thermally activated at 3 given energy level The acti­
vation energy depends on the diffusion mechanism, either through the lattice (AH= 1.4 eV) or across the 
grain boundaries (6.H = 0.6 eV). 
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Example 11.1 

Here, MTTF is the median time to failure in an ensemble of samples and A is an 
empirical fitting coefficient. The MTTF is inversely proportional to f and is very 
sensitive to temperature. For a target MTTF, the value of lmox can be determined 
from the equation in units of amperes/cm2

• A typical value of lmax is approximately 
106 A/cm2, or 10 mNµ,m 2• This value is compared with the actual current density 
in each segment to evaluate the potential for electromigration. 

Use of MTIF to Establish Maximum Allowable Current Density 

Problem: 

A design has a required lifetime of 10 years. Measurements for Al electromigration 
using an accelerated testing method indicates that A = 2 X 107 hr-cm2/ampere 
and f:l.H = 0.85 eV. What is the maximum allowable current density in Al intercon­
nect at 125 °C? 

Solution: 

The MTIF is the time at which 50% of the parts will fail, that is, t50• For a desired life­
time of 10 years, the MTIF should be 5-1 O times larger than this value. We will use 
a factor of 10 to be on the safe side: 

t50 = MTIF = 1 O x 10 years X 365 days x 24 hours = 8.8 x 105 hours 

Using Equation (11.3), we can solve for Jm.,: 

1 = /~ex (t;.H) = / 2(10
7

) ex ( 0.85eV ) 
max \/ t

50 
p kT \/ 8.8(105) p 8.62 X 10-5eV/°K(398°K) 

= 8.95(105)A/cm2 

This value can be used as the maximum tolerable current density for electro­
migration. 

The current density in each ,,ire segment is computed using the wire dimensions 

(11.4) 

where Wis the wire width and Tis the wire thickness. The criterion for electromi­
gration failure is 

f,wg > fmax ( 11.5) 

This comparison must be performed for every segment and via in the power grid to 
identify those nets that are prone to EM failure in the prescribed lifetime. Failing 
metal segments and vias must be modified, typically by adjusting the wire width 
according to Equation (11.4), until condition (11.5) is no longer violated. Not all 
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EM failures must be fixed since a break in the metal line does not necessarily mean 
that the part will fail. However, it may increase the likelihood of failure in other 
branches since there are usually many different current paths to each gate. The fail­
ures should be ordered in some manner, and then fixed in that order, until the prob­
ability of failure is below some predetermined threshold. 

11.2.3 Power Routing Considerations 

Integrated circuit power distribution systems are designed to provide the needed 
voltages and currents to the transistors that perform the logic functions of a chip. 
IC designers must design power systems with Equations (11.2) and (11.3) in mind 
for reliable operation. A complete picture of power grid integrity can only be 
obtained when effects such as IR drop, ground bounce, Ldil dt, and electro migration 
are considered together. These are full-chip issues that must be addressed by inter­
connect verification tools that have the capacity and performance required to ana­
lyze detailed representations of the chip in a reasonable time. We will leave these 
higher-level issues to CAD tools and vendors. Instead we will focus on the methods 
needed to avoid these types of issues. 

Initially, one can make estimates of the IR drop and Ldi/ dt from R, C, and L cal­
culations. Designers typically compute resistance along a conductor by counting the 
number of squares along the line and multiplying by the sheet resistivity. Similarly, 
the capacitance along the line is computed by multiplying the length of the line 
times the capacitance per unit length. Inductance can be estimated for the bonding 
wire or solder bumps, and crude estimates can be obtained for the power lines. 
Using this information and the expected current levels and rates of change, the 
anticipated voltage drops can be computed, along with electromigration lifetimes. 
Carrying out this type of analysis for a whole chip is difficult so rules of thumb have 
emerged to help guide the power grid design. These rules are associated with the 
metal width needed to keep the resistance low enough for the expected current lev­
els and current densities. 

A simplified method of power distribution is illustrated in Figure 11.6. The 
outer ring is VDD and the inner ring is Vss· The power and ground straps are routed 

Figure 11.6 
Large block level power distribution. 
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Block A BlockB Block A BlockB 

(a) (b) 

Figure 11.7 
Power routing options. 

vertically and interleaved so that at the lowest level they can be connected to the 
gates at the appropriate contact points. Of course, this type of routing does not fully 
account for the different types of blocks at the lower level, such as memory, logic, 
clock, and bus drivers, that may be connecting to the supply. However, the general 
idea of distributing power routes around the chip is conveyed in this diagram. 

The power distribution system should be designed to route current to the gates, 
taking into account IR and EM. This requires a more careful consideration of the 
routing methodology. For example, consider the two blocks in Figure 11.7a. If power 
is routed through Block A to Block B, a larger IR drop will occur in Block B since 
power is also being consumed by Block A before it reaches Block B. As more and more 
blocks are added, the complex interactions between blocks determine the actual volt­
age drops. The placement of these blocks is typically based on the timing require­
ments of the system or the size and shape of blocks at the floor-planning stage. There­
fore, sizing the power buses properly to minimize IR drop, while satisfying the 
required timing and area constraints, is a key design challenge. 

The power busses could be widened to lower the resistance of the lines as in Fig­
ure 11. 7b. The large metal trunks of power have to be sized to handle all the current 
for each block. Although routing power in this way makes it easier to manage IR 
drop, it also requires more area to implement. This forces designers to set aside large 
areas for power busing that takes away from the available global signal routing area. 
Since the same routing tracks are used for clocks, busses, and other global signals, 
the tradeoff between power and signal routing must be carefully managed. 

Other alternatives are shown in Figure 11.8. ln Figure 11.8a, current is delivered 
from both ends of the block thereby minimizing IR drop in the middle. Since the 
total IR drop is based on the resistance seen from the pin to the block, one could 
route around the block and feed power to each block separately as shown in Figure 
11.Sb. Ideally, the main trunks should be wide enough to handle all the current 
flowing through separate branches. However, the T-junctions have a high current 
density as current crowding occurs around the bends. It is important in this type of 
grid to examine the current density at all junctions, especially the corners, to ensure 
that EM problems do not exist. 

Another approach to minimizing IR drop, depicted in Figure 11.9, is to have a 
grid of two metal layers. In the figure, assuming a five-layer metal process, Metal 4 
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(a) 

Figure 11.8 

BlockB 

Simple techniques to reduce JR drop. 

Figure 11.9 
Vias in a mesh array methodology, 
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Block A BlockB 

. 

. 

-
(b) 

and Metal 5 use a via array to connect the two layers, effectively tying the whole grid 
to V00. However, part of the grid may have to be removed to route some signals. If 
you arbitrarily remove a strap that is conducting a large amount of current, the 
excess current must flow in adjacent straps that may push the current density in 
them beyond acceptable levels for electromigration. These examples all illustrate 
that design tradeoffs must be made with both EM and IR in mind. 

11.2.4 Decoupling Capacitance Design 

On-chip decoupling capacitances (decaps) are commonly used to keep the power 
supply within the noise budget, especially during peak demand periods in high­
frequency switching applications. The decoupling capacitors are large-valued capac­
itances that hold a reservoir of charge located near the power pins and any large driv­
ers, as shown in Figure 11.10. When large buffers switch from low to high, these 
de caps are the first line of defense for IR drop and Ldi! dt effects. The needed current 
for the switching process is obtained from the local decap. Later, current flows from 
the VDD pad to refill the reservoir of charge for the next switching operation. 
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Figure 11.10 
On-chip decoupling capacitance. 
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Figure 11.11 
On-chip decap using MOS capacitance, 

The on-chip decoupling capacitance is usually implemented using an NMOS 
transistor with the gate connected to V DD and the source/drain connected to V ss· 
The device is therefore in the linear region of operation. This is illustrated in Figure 
11.11 where the parallel-plate capacitor is formed by the poly on one side and the 
channel inversion layer on the other. A first-order calculation of the capacitance is 
given by 

Cdecap = CcxWL 

and therefore the required decoupling value can be obtained with the proper choice 
ofWandL. 

A more accurate model would include the fringing and overlap capacitances of 
the poly edge to the source/drain regions: 

Cdmp = C 0,WL + C01W 

The two main design issues are to decide how much decoupling capacitance to 
include and where to place them. Assuming that we somehow know the amount of 
decap needed, we must select the proper values of Wand L to optimize the decap 
while achieving a target capacitance value. The selection of the proper value of W 
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Patch of drip area 

Figure 11.12 
Simulation of patch area of ch'p. 

and L can be based on a large number of simulations of inverter circuits with decaps 
as in Figure 11.10. The location of the decaps should be based on the location of the 
large buffers that are switching during the peak demand periods. Simulations can 
be carried out on a representative patch of the power grid between power bumps, 
shown in Figure 11.12. The power bumps are essentially the solder bumps con­
nected to Ynn· Any circuitry connected to the grid should represent the types of 
buffers and drivers that will typically be found in the design. 

There are many factors to consider when deciding how much capacitance to 
employ and where to place them. First, there is a certain amount of decoupling that 
is already present in the circuit due to the devices that do not switch. This includes 
gate and source/drain capacitances, as well as wire capacitances, for all nodes that 
are charged up to Yno· This value may be subtracted off the target decoupling 
capacitance needed in the circuit. We also need to know the noise budget, the 
switching activity of the circuit, the current provided by the power grid and the rate 
of change of current with respect to time. Since the actual location and amount of 
decoupling capacitance are difficult to determine in an optimal way, some rules of 
thumb are used to ensure proper performance. Typically, the decap amount should 
be 10 times the switching capacitance, and decaps should be placed in as many open 
areas of the chip as possible. In addition, decaps should be located near the power 
pins to offset any effects of inductance due to solder bumps or bonding wires. 

11.2.5 Power Distribution Design Example 

To reinforce many of the concepts described in the previous sections, we sequence 
through a power distribution design example. Figure 11.13 shows an actual power 
distribution system for a large digital chip. Only the metal lines associated with the 
power grid are shown here. There are large blocks that are dearly distinguishable in 
this design. Each block was designed by a separate group. The horizontal and verti­
cal patterns of the power grid are quite evident in each block. The memory block in 
the lower middle portion has a high-density grid as would be expected by the den­
sity of memory circuits. This chip example will be used several times in this chapter. 

To illustrate a possible tradeoff between IR drop and electromigration, we first 
plot a contour map of the IR drop for the chip, as shown in Figure 11.14. The two 

ONSEMI EXHIBIT 1038, Page 362



496 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS 

Figure 11.13 
Exampie of a chip power distribution system. 

plots show the voltage drop in the power grid with different shading levels to indicate 
the severity of the drop. This type of plot is generated by extracting all the resistors in 
the physical power grid and assembling a large resistive mesh; the logic circuits and 
memory blocks are then represented as ideal current sources and attached to the resis­
tive grid. Each current source is assigned the average current level of the correspond­
ing gate. A simulation is performed to compute the voltage drop at every point in the 
grid, and this voltage is assigned a grayscale value and plotted in the figure. 

Consider the IR drop plot on the left side of Figure 11.14. The large oval region 
near the center of the chip is a region of excessive JR drop. In fact, it violates the 10% 
noise budget assigned to the power grid. The reason for the violation is that the 
lower part of the grid is not connected to the upper part of the grid. This was inad­
vertent since the chip was assembled simply by connecting the separately designed 
blocks together. Unfortunately, the upper portion of the grid must derive all needed 
current from the six or seven V DD pads around the periphery of the top portion of 
the chip. To remedy this problem, the designer simply connected the lower portion 
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Figure 11.14 
IR drop plots before and after repairs. 

of the chip to the upper portion with a number of power straps (i.e., metal connec­
tions). The resulting IR drop plot is shown in the right-hand side figure. The power 
grid now satisfies the noise budget. 

The side effect of the changes made to the grid is illustrated in Figure 11.15. 
Here, the electromigration failures have been plotted as dots on the power grid. 

Figure 11.15 
Electromigration p!ots before and afte:- repairs. 
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Each failure is based on whether or not a given section of metal satisfies the EM cri­
terion based on Equation (11.5). The equation requires a calculation of the current 
density, J,vg· This value is simply the de current in the metal line divided by its cross­
sectional area. Once computed, if the J,vg of the segment is less than a specified level, 
fmax, then the metal segment is flagged as a violation. Since large currents flow at the 
boundaries of the chip, we would expect more violations in these regions. This is 
confirmed by the locations of the dots in the two figures. 

The left-hand side figure shows the violations before the straps were added to 
fix the IR drop problem. The right-hand side figure is the picture for EM violations 
after adding straps. Notice that the lower portion of the grid experiences more EM 
violations than in the other diagram. This is due to the fact that the lower portion 
of the grid is now supplying more of the current to the upper portion and the metal 
segments have a higher current density. Some of the densities are high enough to 
violate the EM criteria. Clearly, the power system must be redesigned by consider­
ing both IR and EM together. 

Electromigration failures can be reduced in several ways. The basic idea in all 
approaches is to reduce the average current density experienced by any metal seg­
ment. The simplest approach is to widen the metal lines. However, increasing the 
width beyond a certain point leads to overdesign, which costs area and can reduce 
yields. Another approach is to change the current flow in the power grid itself by 
adding jumpers and straps between different points in the grid. This would reroute 
current from the affected areas, but such changes would require another verification 
pass to confirm that the problem has not simply been moved to another part of the 
design. Switching to copper is perhaps the most significant step toward reduction or 
elimination of these types of failures in metal segments. However, electromigration 
in vias and the local heating of neighboring lines may be limiting factors in the ulti­
mate improvement that can be achieved using Cu. 

Reducing the impact of IR drop in a power distribution system can be accom­
plished in several ways. The simplest approach is to widen the lines that experience 
the largest voltage drops since increasing the width decreases the resistance (and the 
IR drop). However, this may not always be possible due to constraints in the rout­
ing area. Another approach is to add/remove metal straps as mentioned above. Since 
IR drop is due primarily to simultaneous switching events, another approach is to 
stagger the gates that are switching together such that they switch at slightly differ­
ent times-at least enough to keep the problem within the noise budget. Alterna­
tively, buffer sizes can be reduced, but this may not be possible if the design fails to 
meet performance requirements with smaller devices. 

The most effective approach is to use decoupling capacitors between power and 
ground, which can deliver the additional current needed by the power distribution 
system. As described earlier, a decoupling capacitor is a large capacitance that is con­
nected from VDD to Gnd typically using a large MOS transistor. The charge stored 
in the decoupling capacitors is used to initially provide current to the gates, thereby 
reducing the IR drop and Ldi!dt effects. These decoupling caps are usually scattered 
throughout the design in any available space, using transistors with their gates tied 
to VDD and their source-drain regions tied to Gnd. All empty regions of the chip are 
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filled with decoupling caps using the philosophy that you can never have enough 
(i.e., overdesign). However, the large area overhead may act to reduce yield. Typi­
cally designers add a total decoupling capacitance that is 10 times the amount of 
capacitance switched on every cycle, as a rule of thumb. Package and pin Ldi!dt 
effects can be mitigated by placing large capacitances near the pins. 

The number of pins assigned to Vvv and Gnd can also be increased to reduce 
IR drop. By providing more supply pins, the current requirements for a given sec­
tion can be satisfied from a number of sources. Of course, this limits the number of 
pins available for I/0. A more aggressive solution is to use a ball-grid array where 
the power supply connections can be placed at various points within the chip. The 
key design issue is proper placement of the bumps around the chip. Note that sol­
der bumps cannot be used in sensitive areas such as memories and dynamic logic 
because the bumps generate a-particles that may cause logic value upsets on the 
sensitive nodes. Nevertheless, when used appropriately, solder bump technology can 
reduce IR drop significantly. 

11.3 Clocking and Timing Issues 
11.3.1 Clock Definitions and Metrics 

In modern VLSI systems, the clock is perhaps the most important signal because it 
controls the rate.·of data processing and communication. It provides a structured 
framework for dealing with high-complexity digital systems. A clock network dis­
tributes the clock signal from the clock generator, or source, to the dock inputs of 
the synchronizing components. We typically build the FSMs (finite state machines) 
from combinational logic (for next state logic) and flip-flops (for storage elements). 
The logic elements have differing delays and, as a result, the path delays through the 
logic blocks will differ. We control the storage elements with a clock to keep every­
thing synchronized. Unfortunately, we can have fast or slow signals in the combina­
tional logic, and fast or slow clocks that make timing synchronization more difficult. 

There are a number of important definitions and figures of merit associated with 
the clock as shown in Figure 11.16. Ideally, the clock should arrive at all flip-flops at 
the same time, have a fixed period, T cycJ,, and near zero rise/fall times. Actual docks 
fall short of this ideal model. First, the arrival times of the clock to the flip-flop {FF) 

Rise-

Figure 11.16 
Clock later.cy and skew definitiocs. 
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Figure 11.17 
Definitions for c·.ockjitter. 
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inputs around the chip are different. The clock skew is defined as the maximum dif­
ference of the clock arrival times to the inputs of FFs. Another important parame­
ter is clock latency, as shown in Figure 11.16. The latency is defined as the maximum 
delay from the clock source to any FF clock input. This is important since it deter­
mines whether the external system clock is properly synchronized with the internal 
clock. Ideally, we would like the internal and external clock edges to be positioned 
at the same point in time. Otherwise, the chip 1/0 will require large setup and hold 
times to account for latency. The clock rise/fall times should be small and kept about 
equal, but this requires the use of large buffers. Unfortunately, clock networks with 
large buffers can consume a large portion of the total power of synchronous VLSI 
systems ( up to 40% ). The clock design objectives must be attained while minimiz­
ing the use of system resources such as power and area. 

Another important metric for the quality of a clock is the clock jitter. This is the 
variation of the clock period from one cycle to another, as seen in Figure 11.17. Nor­
mally, we expect the clock edge, either rising or falling, to be at the same point in 
time, spaced by a period T"',1,. However, a variety of factors move the clock edge 
around from cycle to cycle. 'This may be viewed as an error or uncertainty in the 
clock edge or an uncertainty in the clock period. If we superimposed the clock 
waveform over each period, we would notice it drifting back and forth over time. 
This is the effect of jitter. The difference between skew and jitter is that skew is the 
difference between the same clock edge at two different locations on the chip; jitter 
is the difference between the expected time of the clock edge and the actual time at 
the same point in the chip. 

There are a couple of ways to measure jitter as shown in Figure 11.17. One 
approach is to use a clock signal without jitter as a reference, such as the first clock 
that is evenly spaced by a given period T cycle· The second clock has jitter and its clock 
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Jitter measurements. 
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edges are measured against the absolute points in time where the jitter-free clock edges 
occur. That is, T1 is compared to T cycle> and T2 is compared to 2 T cycle> and so on. This 
is an absolute jitter measurement: Tn -nTcycle. 

Another approach is to ignore errors in the edge locations up to the last cycle 
and measure jitter relative to the last dock edge. This is indicated using the third 
dock waveform which has the same error as the second dock. In this case, we sim­
ply compare the current period of the dock with the expected period. This is cycle­
to-cyde jitter: ( T,, -Tn_ ,) - Tcyde· For on-chip applications, we are mainly interested 
in cycle-to-cycle jitter since we care only if the logic functions can be completed 
within the current clock cycle and not on any absolute time reference. Absolute jit­
ter is more important for off-chip timing synchronization between two chips. 

Cycle-to-cycle jitter is typically smaller than absolute jitter since it is always 
measured relative to the last dock edge. If we measured the jitter over thousands of 
cycles, we would produce a histogram with a distribution of the form shown in Fig­
ure 11.18. Here, the normalized probability of the clock edge is plotted against its 
arrival time. The expected arrival time is at the point marked "O" on the x-axis. 
Some edges will arrive earlier than this time, while others will arrive later. The x-axis 
is labeled in terms of the standard deviation, or u, of the distribution. Jitter mea­
surements are usually provided as peak-to-peak values (4 u) or RMS values (one 
u), as shown. The goal in clock design is to minimize jitter, especially within the 
dock generation circuits. 

11.3.2 Clock Skew 

Much of the effort in clock design centers on minimizing the clock skew. An exam­
ple of the dock skew problem is shown in Figure 11.19. The clock driver is located 
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Figure 11.19 
Clock skew example. 
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in one corner of the chip while the target flops are scattered around the chip. The 
arrival times of the clock to each of the FFs will be slightly different; some will 
receive the clock early while others receive the clock late, relative to each other. The 
delay differences are due to differences in the length of the global wire from clock 
to FF, gate delays along the different paths, and the fanout driven by the signal. If we 
examine the FFs in each corner, the two near-end FFs will have a smaller skew rela­
tive to each other ( early clock), whereas the one that is diagonally opposite to the 
clock will have a large skew (late clock). 

At first, this skew appears to be more an annoyance than a problem. In reality, 
it can greatly affect the performance and proper functionality of the overall system. 
To illustrate this, consider the situation shown in Figure 11.20. In the upper part of 
the figure, a sequential system is shown with positive-edge triggered flip-flops at 
each end and a combinational "cloud" representing the logic gates between the 
flops. There are multiple paths through the logic that can be characterized by two 
parameters: the worst-case path with delay TdMAX' and best-case path with delay, 
TdMIN· 

Now, consider the effect of skew on cycle time. In Figure 11.20, assume that the 
clock arrives early at the far-end flop and late at the near-end flop. \.\/hen the clock 
arrives at the near-end flop, it launches new data into the combinational cloud (i.e., 
into the logic block) after a delay of Tdk-q which is a property of the flop, as dis­
cussed in Chapter 5. This is followed by a maximum delay of TJMAX through the 
logic. Upon arriving at the far-end flop, a setup time for the flop, T"'"P' must be sat­
isfied. The three components, Tdk-q + TaMAX+ T,,,up' would normally comprise the 
cycle time, T cyd,· 

However, if the clock arrives early at the far-end flop due to skew, we may have 
a problem as shown in the waveforms of Figure 11.20. The early dock of the next 
cycle would arrive and latch data that are not yet stable from the current cycle, 
according to the setup time. This would cause a functional error in the circuit. 
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Early Clk 
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L 

When circuits do not meet the requirements of the cycle time, it is usually referred 
to as a setup time violation, even though it is due to skew. There is a simple solution 
to this problem. If we increase the clock period by T,kew we can guarantee that the 
circuit always works. However, the penalty is that the cycle time is longer by the 
skew value. The new cycle time is given by 

(11.6) 

Next, consider Figure 11.21. Here the arrival times of the clock at the flip-flops are 
reversed. This time we are concerned about the shortest path through the logic 
block. When the early clock arrives at the first flop, the logic propagates through the 
combinational cloud and the fastest signal path reaches the second flop in a time 
Tdk-q + TaMm· If this is too fast, there is a problem. When the late clock arrives at the 
second flop in the same cycle, it latches the incoming data regardless of whether 
they are the correct data or not. It may inadvertently capture the new (incorrect) 
data. The skew is working against the goal of latching the right data. Why? Because 
if the new data arrives before the hold time of the previous data is satisfied, the sec­
ond FF incorrectly samples the new data instead of the correct data. This is referred 
to as a hold time violation as shown in Figure 11.21. Note that this problem cannot 
be solved by slowing down the clock. The criterion for proper operation is that 

T,1,w + Thold < Tdk-q + TdMIN (11.7) 

To overcome hold time problems, the designer must increase the delay of the short­
est paths that violate Equation (11.7). This can be accomplished by adding buffers 
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Figure 11.21 
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or reducing the size of some of the existing gates. Care must be taken so as not to 
inadvertently increase the delay of the longest paths. Ultimately, the clock circuit 
must be designed with minimum skew to reduce the number of potential setup and 
hold problems. 

11.3.3 Effect of Noise on Clocks and FFs 

At this stage, it is useful to point out some of the serious consequences of noise due 
to crosstalk, as described in Chapter 10, especially relating to clocks and flip-flops. 
Consider the positive edge-triggered D-flop of Figure 11.22a. Normally, when the 
clock goes from high to low, the D-flop continues to hold the output signal at its 
previous value. However, if a capacitive or inductive noise event couples to the clock 
node and is fed to the FF, it may inadvertently capture a random value at the D 
input. Here, the clock has a short positive-going edge during a fall transition. It is 
positioned at the switching threshold of the flop and triggers a capture event at the 
input. It is critical that noise events due to interconnect be eliminated when design­
ing the clock distribution network. 

A second case is shown in Figure 11.22b where the clock is free of any glitches, 
but the data input experiences a coupling noise event. Again, it occurs exactly when 
it cannot be tolerated (according to Murphy's Law)-on the positive-edge of the 
clock-and therefore the wrong value is captured. The noise does not satisfy the 
setup and hold requirements of the FF, but it still produces an unwanted change at 
the output. Therefore, a significant amount of noise cannot be tolerated at the data 
input to the FF. 

ONSEMI EXHIBIT 1038, Page 371



POWER GRID AND CLOCK DES,GN 505 

' ' . ' ' ' D Q ' 

ll 1_ Clk 

' 

Nmse l 

"" ' ~ Clk 
j D Q 

' ' ' 
Clk 

' t:'e 
' ' ' ' ' 

(a) Glilch on Clk Input 

Figure 11.22 

' ' ' 

Ef.ect of coupl:ng nolse on FF perforr.iance. 

l 

' ' ' ' 
Clk 

_J 
' ' ' ' 

(b) Glitch on Data Input 

I 
I I . cIJ 
l 1/ ~ 
~~ .--, -~ 

~l ~ 
l..!J-l~-1~...g 

Figure 11.23 
Layout solutions to coupling problems. 
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To limit noise events around FFs, one can employ the spacing and shielding 
techniques described earlier. For example, in Figure 11.23, signal B and the Clk sig­
nal are situated very close to one another. There is a potential for noise events 
between these signals due to coupling capacitance. The possible layout solutions are 
to separate Band Clk by a sufficient spacing or to shield the Clk with VDD and Gnd. 
The spacing approach has a lower capacitance and therefore reduces power to some 
degree. However, the shielding is beneficial for both capacitive coupling and induc­
tive coupling. Typically, clocks are shielded to protect them from unwanted noise, 
but also to protect other sensitive signals from unexpected mutual coupling to the 
clock. The price of shielding is increased capacitance and power dissipation. 
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11.3.4 Power Dissipation in Clocks 
The total power dissipation in a clock circuit can be significant. As mentioned ear­
lier, it may constitute 30-40% of the total power in high-performance designs. The 
most dominant component of the power is due to dynamic switching: 

p = cvto .fc1k 

Note that the a: term is not present in this expression since the clock switches on 
every cycle. Effectively, a: = l. Since the frequency J;1k and the supply voltage Vnn are 

· known, the only term left to compute is the capacitance value, C. The capacitance 
due to the clock is very high in large digital circuits, possibly in the nano-Farad 
range. 

As an example, consider a 0.18 p,m technology with VDD = 1.8 V. If a circuit 
operates at 500 MHz and has a clock capacitance of l nF, the total power of the clock 
circuit alone is 

P = (1 nF)(l.8)2 (500)(106
) = 1.6 Vv 

The capacitance of the clock arises from many sources. First, the interconnect 
capacitance of the metal lines is a major source of capacitance. Second, there are 
large buffers used in the clock distribution network that give rise to large fanout and 
self-capacitance terms. Third, there are capacitances associated with the inputs of 
the flip-flops driven by the clock. Finally, there is another source of power dissipa­
tion whenever the FFs are triggered. That is, the flops themselves consume power 
each time the clock signal switches. When designing the clock distribution network, 
it is important to minimize all of these capacitances since they contribute directly 
to the power. 

One popular technique is clock gating. It is a relatively simple concept, as shown 
in Figure 11.24. lf a functional unit is not required for an extended period of time, 
the clock feeding the module is turned off by means of an Enable signal that is 
ANDed v.ith the clock. Most functional units are inactive a majority of the time. For 
example, a floating-point unit may be inactive while a number of integer operations 
are being performed. If the clock continues to toggle the D-flops associated with 

Clk 

Enable 

Figure 11.24 
Gated clock to reduce powe:-. 
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this unit, power is being dissipated unnecessarily. Clock gating can disable the unit 
to save the power that would be consumed by the flops. 

There are a number of issues associated with clock gating. First, it is important 
to decide whether gating is appropriate for a given block. Clearly, a gated clock at 
the input of all flops does not save much power. Therefore, the location of such 
gates around the chip should be determined carefully. Second, the gate may add 
skew to the clock, so it must be inserted in a balanced way. That is, even if certain 
blocks do not require it, a gate should be added to maintain balance. But this runs 
counter to the first issue. Third, a certain amount oflogic circuitry is needed for the 
Enable signal that may affect performance or consume power. Depending on the 
complexity of the dock gating, this tradeoff should be monitored to ensure that a 
gain here is not offset by a loss elsewhere. And finally, timing verification complex­
ity and reusability of a block are additional considerations for this approach. Nev­
ertheless, this technique is very popular as it saves unnecessary clock activities inside 
the gated module. 

11.3.5 Clock Generation 

With the basic definitions and design considerations completed, we now tum our 
attention to the design of the clock circuit itself. A simple technique for on-chip 
generation of a primary clock signal is to use a ring oscillator as shown in Figure 
11.25. A ring oscillator has an odd number of inverter stages and produces an oscil­
lating signal at each node. The period of oscillation is determined by the delay of 
each stage and the number of stages. This type of clock circuit has been used in low­
end microprocessor chips. However, the generated clock signal can be quite process­
dependent and unstable. Consequently, separate clock chips that use crystal oscilla­
tors have been used for high-performance VLSI circuits. 

Usually, a VLSI circuit receives one or more primary clock signals from the 
external clock source and then generates necessary derivates for its internal use. 
Typically, we must generate both true and complementary clock signals for internal 
use. Figure 11.26 shows a CMOS generator/driver that uses a transmission gate 
(TG) delay element. The first driver of the chain is an inverter with transistors Mp I 

Figure 11.25 
A simple on-chip clock ge:ierator using a r;ng oscillator. 
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Figure 11.26 
A clock generator with a tra:iSmlss!on gate delay. 

and Mnl. The t~ branch of the chain consists of two cascaded inverters and gen­
erates a signal <f, = CLK, whereas the bottom branch consists only of a single 
inverter and a transmission gate and provides <f, = CLK. The TG is used as a delay 
element to minimize the clock skew between the two generated signals. 

Another simple approach uses an SR latch to generate two-phase clock signals 
( see Figure 11.2 7). This circuit has two weaknesses that should be checked and prop­
erly designed. First, the input CLK signal propagates through an additional inverter 
to generate <f>. The second problem is related to the first one. The NOR gates should 
not be designed to be equal in size, but rather their output signals should have an 
identical response. The design should also take into account the total capacitance of 
the interconnect that is dependent on the layout topology. 

Figure 11.27 
:..atch-based clock generator. 
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11.3.6 Clock Distribution for High-Performance Designs 

Once the clock signal is generated, it is necessary to distribute it around the chip. 
This is a complicated task due to the issues of skew, noise, and power. Since clock 
signals are required almost uniformly over the chip area, it is desirable that all clock 
signals be distributed with a uniform delay. Ideal distribution networks are the H­
tree and X-tree structures shown in Figure 11.28. In an H-tree structure, the dis­
tances from the center to all branch points are the same and, hence, the signal delays 
are expected to be the same. The limitation of this structure is a difficult imple­
mentation due to routing constraints and nonuniform fanout requirements. Another 
configuration that yields equal-length interconnections is the X-clock tree. Com­
pared to an H -tree, it suffers from the following: 

• The clock line produces sharper comers than 90°; inductive discontinuities 
are significant and, as a result, reflections are larger. 

• The fanout at the branching points is always 4 as opposed to a fanout of 2 in 
the H-tree. An increased fanout degrades matching the line impedance and 
increases the reflections. 

• Two clock lines are in a close proximity (farther apart in an H-tree) which 
increases the crosstalk. 

To avoid reflections at the branching points, the line separates into tv.o branches 
with characteristic impedances twice the impedance of the incoming line. In paral­
lel, they act like a single line and have the same impedance as the incoming line. In 
order to obtain such a perfect impedance matching, wiring-oriented approaches 
have to be applied. The designer has to narrow the line width at the branching 
points because the line impedance is inversely proportional to its capacitance. This 
type of layout construction is shown in Figure 11.29a. Other alternative approaches 
are a wide-bus technique and a fat clock bus. The wide-bus technique increases the 
capacitance and decreases the resistance on source-to-sink paths (Figure 11.29b). 

Figure 11.28 
Symmetric dock trees, 

H-tree 

(a) 

X-tree 

(b) 
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Figure 11.30 

(a) (b) (c) 

Figure 11.29 
(a) Clock tree with tapered wire widths.(b) Clock tree using a wide-bus. (c) Fat bus clock tree 
implementation. 

The construction of a fat clock bus (Figure 11.29c) requires a very large clock driver, 
thus the driver and the interconnect will consume large amounts of power. How­
ever, since delays of the clock tree are dominated by the capacitance of the wide-bus, 
the bus-to-clock interconnection can be done simply and efficiently. 

Because of the significant delays associated with long wires in clocks, the 
designer must insert buffers at various points along the clock wire. In essence, 
buffer-oriented solutions partition the large clock network into small segments. The 
main challenge of any buffered clock architecture is to maintain balance in the 
delays. Several examples of buffered clock distributions are shown in Figure 11.30 
and Figure 11.31. Figure 11.30 shows three conventional clock-tree networks. The 

(a) (b) (c) 

(a) Buffer chain with tapered sizes driving clock tree. (b) Clock power-up tree with uniform buffer 
size. (c) Clock power-up tree with tapered buffer sizes. 
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Clock tree examples. 
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Root component 

Noninverted pins 

t Root component 

Gated leaf plns 

first one uses a super buffer technique to drive the clock tree. The second approach 
inserts equal-sized buffers in the clock tree. The third approach increases the buffer 
sizes as they get closer to the loads. 

Figure 11.31 shows two clock networks with additional characteristics. In the 
top picture, the tree generates an inverted clock in addition to a standard clock sig­
nal, and in the bottom picture, the tree generates a gated clock signal and a standard 
clock signal. Gated clocks are useful when we want to prevent the clock from trig­
gering a flip-flop to reduce power. 

11.3.7 Example of a Clock Distribution Network 

Figure 11.32 illustrates a clock network extracted from an industrial chip. It is the 
same example used in Section 11.2.5. The interconnect associated with the entire 
clock is shown in the figure. The clock tree starts at a root node and splits off into a 
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Figure 11.32 

Data 
path 
block 

Main spine 

Memory 
block 

Root node ---..1~ 

Clock tree routing for industrial chip. 

number of major spines, from which local clocks emanate. The two empty regions 
are the memory and data path areas. The clock drives the decoders in the memory 
circuit (just below the main spine label) and the data path is driven by the clock 
spine on the right side. The rest of the blocks obtain their local clocks from internal 
spines that run through them. 

The buffers in this clock tree are of the form shown in Figure 11.30b with uni­
form sizes. These buffers draw a significant amount of cnrrent when switching. In 
fact, the section labeled local dock distribution has such a large number of buffers 
that, when they switch simultaneously, it creates significant JR drop in the power 
grid. Recall frofil Figure 11.14 that the JR drop was most significant in this region 
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sections 

Electromigration effects in signal lines due to ac and de current flow. 

and violated the 10% noise budget. This IR drop translates into additional delay, 
resulting in additional clock skew. Ironically, the clock itself is causing the problem 
of IR drop. This is why the clock and power distribution systems are often designed 
together. 

Recently, elearomigration (EM) problems have been encountered on clock sig­
nal lines as a result oflarge currents that flow back and forth on these lines. EM on 
signal lines is therefore an ac phenomenon. As a result, we must compute the root­
mean-square (RMS) value of the current rather than the average current (which 
tends to be dose to zero for the ac case). The RMS current density, J,ms, is compared 
to another EM limit, hc,max> that is based on ac Joule heating as current moves back 
and forth in the wire. A typical value of JAc,max is 20 mN µ,m2• The failure criterion is 

frm.s > hc,max. (11.8) 

If the actual RMS current density is below the tolerable amount, the signal line is 
expected to have a lifetime well beyond the life of the corresponding product. 

Consider Figure 11.33 which illustrates the EM problem areas for the clock. The 
metal segments at the output of the gate experience both unidirectional (de) and 
bidirectional (ac) current flow mechanisms. Most of the wire encounters bidirec­
tional current due to charging and discharging of capacitances. Therefore, the cur­
rent density criteria would be based on Equation ( 11.8) for EM failure. However, a 
short unidirectional segment of metal connects the PMOS devices to the NMOS 
devices. It would be evaluated using the criteria in Equation ( 11.5) for EM failure. 
In the figure, the criteria to pass the EM checks are shown for each of the two seg­
ments. 

Figure 11.34 shows the results of an EM analysis on a portion of the dock tree 
of Figure 11.32. The areas that are highlighted with squares have violated the EM cri­
teria, either (11.5) or (11.8). All signal EM failures must be fixed since any break in 
the wire is catastrophic. Again, wire widening is the typical solution to this problem. 
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Figure 11.34 
Signal EM failures in clock tree. 

*11.4 Phase-Locked Loops/Delay-Locked Loops 
In this section, we examine the problem of synchronizing the externally supplied 
master clock with the internal clock of the chip. In digital VLSI systems with multi­
ple chips on a printed circuit board (PCB) or in system-on-chip (SOC) applications, 
severe problems may arise due to latency between the master reference clock and 
locally generated slave clocks. The value of the on-chip clock latency may differ from 
chip to chip or from module to module. Since the data transfers are synchronized 
with the slave clocks, timing hazards may occur and/or data errors may be generated 
( data may be sampled at a wrong time). These problems can be rectified using phase­
locked loop {PLL) and delay-locked loop (DLL) circuits. 

On-chip PLLs can be used to synchronize the internal clock of a chip with the 
external clock and data, and to generate the internal dock signal running at a higher 
rate of operation than the external clock input. Consider the timing diagram of 
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Figure 11.35 
On-chip PLL for clock synchronization. 
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Figure 11.35a. The external system clock of the PCB is the off-chip clock. This clock 
is fed into a chip to be used as the internal clock as shown in the top portion of Fig­
ure 11.35b. The on-chip clock is buffered to drive the flops or latches of the logic 
blocks. However, the delay through the clock buffers and wires (i.e., clock latency) 
creates a difference between the internal and external clocks as seen in elk! of Fig­
ure 11.35a. This leads to additional setup and hold requirements at the I/0 pins of 
the chip. Ideally, we would like the two edges to line up so that the internal clock is 
synchronized with the external clock, as in the clk2 waveform of Figure 11.35a. To 
do this, we could use a delay-locked loop or phase-locked loop, as shown for clk2 in 
Figure 11.35b. 

The PLL and DLL circuits are closely related.' Both use feedback control to lock 
the output clock to the incoming dock. PLLs must lock on to the frequency and 
phase of the reference clock, whereas DLLs simply lock to a constant phase of the 
reference clock. Therefore, the locking process in a PLL requires more time (since it 
must first lock on to the frequency and then the phase) than a DLL (since it must 
only lock on to the phase). If we simply want synchronization, we could use a DLL. 
However, if we needed the internal clock to run at a multiple of the external clock 
frequency, we must use a PLL. 

The PLL and DLL feedback control systems have very similar architectures, as 
will be seen shortly. The main difference is the use of a voltage-controlled oscillator 
(VCO) in the PLL and a voltage-controlled delay line (VCDL) in the DLL. There are 
also differences in the stability properties of the two types of loops, and their abil­
ity or inability to perform frequency synthesis. Many books on analog design cover 
these types of circuits and their properties in great detail due to their widespread 
use in other applications. 

As digital designers, it seems that PLLs/DLLs are beyond the scope of this book 
due to their analog nature. This is essentially a true statement. However, it is impor­
tant to understand the basic operation of a PLL circuit, as well as DLL, due to their 

2 Even their names imply that they are related. That is, the term delay in the time domain has the same mean­
ing as phase in the frequency domain. 
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increased use for skew management, clock synthesis, and data and dock recovery. 
We therefore present the operation and design considerations from a digital 
designer's point of view using a basic PLL block diagram as a guideline. The reader 
is encouraged to consult the references at the end of the chapter for further infor­
mation. 

11 A, 1 PLL Design Considerations 

Figure 11.36 shows a block diagram of a charge pump PLL for clock synchroniza­
tion and clock synthesis. It consists of a phase/frequency detector (PFD}, a charge 
pump (CF), a loop filter (LPF), and a voltage-controlled oscillator (VCO). The 
phase detector detects the phase difference between the reference clock and the 
VCO output and applies charge-up or charge-down pulses to the charge pump. 
These pulses are used to switch voltage or current sources, which charge or dis­
charge its output. The pulses are filtered by the loop filter and applied as the con­
trol voltage of the VCO. The VCO changes its oscillation frequency according to the 
control voltage. If the VCO oscillates at a multiple of the input frequency, it must be 
divided down before a comparison is performed in the PFD. 

The phase/frequency detector (PFD) is a circuit that detects the difference 
between the edges of the reference clock (Ref) and the feedback clock {FB). A sim­
ple version is shown in Figure 11.37a consisting of two D-flops and an AND gate. 
The D-inputs are tied to 1. The role of this circuit is to control the VCO by moving 
its frequency up or down depending on the edges of the incoming clocks. 

The truth table for the PFD is given in Figure 11.37b. If the up and down sig­
nals are both 0, then the desired frequency and phase have been obtained and the 
PLL is in the locked condition. However, if the reference clock switches ahead of the 
feedback clock, the up signal is raised to indicate that the frequency of the VCO 
should be increased. Similarly, if the feedback clock switches ahead of the reference 
clock, a down signal is generated to slow down the VCO. If both the up and down 
signals are high, it is viewed as a reset condition, so the AND gate acts to reset the 
flops to 0. 

To understand its operation further, consider the timing diagram of Figure 
11.37c. Initially Ref Clk switches high ahead of FB Clk. This is a phase error in the 
two signals. The initial rise of Ref Clk sets its flop output to 1 while the rising edge 

Up 

PFD 
Down 

Figure 1 1 .36 
A basic PLL block diagram. 
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+N 
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ONSEMI EXHIBIT 1038, Page 383



l D Q 1------~- Up 

RefC!k R 

1 D QI--+-----'-- Down 

FBC!k 
R 

Figure 11.37 
Phase-frequency detector. 

(a) 

RefClk 

FB 

Up 

Down 

D a D 

I 
(c) 

Up 

0 

I 

0 

l 

n 

POWER GRID AND CLOCK DESIGN 517 

Down 

0 

0 

I 

1 

(b) 

Hold 

Up 

Down 

Reset 

of FB Clk sets its flop output to 1. The combination of the two high outputs forces 
a reset. The pulse width on the up signal is proportional to the phase delay of the 
two signals. The down signal produces a short pulse that can easily be removed by 
the next stage, as will be seen. Since the VCO receives a "speedup" signal, the next 
set of edges of the two docks will have a smaller phase difference. This shortens the 
up pulse. This continues until the phase difference switches signs, at which point the 
down signal is enabled. Eventually, the system stabilizes and there is a negligible dif­
ference between the two clocks. 

Once the up! down signals have been generated, they are applied to a charge­
pump which is illustrated in Figure 11.38 along with the output filter. Assume that 
the filter is a capacitor for the time being. The up signal will switch on the upper 
current source, Ip, and raise the output voltage at Ve. Similarly, the down signal will 
discharge the output capacitance and lower the control voltage, Va There are situ­
ations when both switches turn on simultaneously. However, as long as Ip= IN, the 
overlapping pulses for the up and down signals do not create a problem since both 
switches are on and the current flows harmlessly from Vnn to Gnd.3 

3 In practice, it is difficult to get these two currents to match over supply and process variations, and temper­
ature changes. This leads to a de offset in the output that must be removed in some way (typically with a unity­
gain amplifier and some additional switches). 
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Figure 11.38 
Charge-pump and loop filter F(s). 

The filter F(s) determines the order and stability of the overall PLL system. Its 
role is to filter out the high-frequency switching components in the up/ down signals 
and deliver a slowly changing control voltage to the VCO. Therefore, it must be 
designed in the context of the overall feedback control system and not in isolation. 
Even though the PLL is a highly nonlinear system, it can be analyzed as a linear sys­
tem when it is in the locked or nearly locked condition. The control system repre­
sentation is given in Figure 11.39, which we now analyze using linear system theory. 
The phase is the loop variable in this case, and the phase difference is determined 
and amplified by KPD in the PFD: 

Vd = KPD(O;n - Oout) 

This is passed through the low-pass filter with a transfer function of F(s). Then the 
signal passes through the VCO to create the output phase. The relationship between 
frequency and phase is that phase is the integral of frequency, and the frequency is 
determined by the control voltage: 

6 = f fdt = f K, v,dt 

Kpv 

~~I Kis 01"', 
-iL-----· 

Figure 11.39 
Linear feedback control system for PLL. 
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Therefore, the VCO can be viewed as an integrator that converts the control voltage 
into a phase. Its transfer function is given by K0/ s. The meaning of this transform is 
that the VCO introduces a pole into the system transfer function at s = 0. Any addi­
tional poles in the transfer function of F(s) may lead to instability of the overall sys­
tem, depending on their exact placement. This is why the loop filter plays such a 
strong role in the overall stability of the PLL. 

We can now determine the two important transfer functions of the system: the 
open loop gain and the closed loop gain. The open loop gain is obtained by exam­
ining the direct path from the input to the output: 

()out (s) = K,vF(s) Ko = G(s) 
ein s 

The closed loop gain is obtained by going around the loop once and can be written 
in terms of the open loop gain: 

Ko 
KpvF(s)-

8,0, (s) = ____ s_ = _G_(~s)~ 

81n 1 + K,vF(s) _Ko 1 + G(s) 
s 

(11.9) 

The classical study of the stability properties of such a system is carried out by ana­
lyzing the frequency response of the open loop system. This can be understood by 
examining Equation (11.9) above. If G(s) in the denominator is equal to -1, the 
closed loop gain goes to infinity. The condition G(s) = -1 occurs when the magni­
tude of G(s) is l and its phase is -180°. In practical terms, the system is said to be 
unstable in this condition. By examining Equation (11.9), the term that determines 
the stability of the system is the loop filter F(s). 

In Figure 11.40, three options are presented for the loop filter. We had assumed 
that the loop filter could be implemented as a grounded capacitance. This is a first­
order filter (with one pole) and it produces a second-order PLL (since the PLL 
already has one pole due to the integrator). However, the use of a simple capacitor 
as the loop filter renders the PLL unstable since it introduces two poles at s = 0, 
which immediately sets the phase to -180°. 

If a resistor is placed in series with the capacitor as in the second diagram, it 
inserts a zero into the transfer function and this allows the overall frequency 
response to be stabilized for the PLL. This is also a second-order PLL since the fil­
ter is of first-order. When a time-domain simulation is performed with this filter, 
we would notice that the charge-pump introduces small step discontinuities in the 
value of Ve as it switches, due to capacitive feedthrough. These discontinuities can 
be damped by adding a shunt capacitance as in the third diagram. \¥bile this is a 
more complicated filter, it can be shown that the PLL can be stabilized by the proper 
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Figure 11.40 
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selection of R, C1, and C2• Typically C, = (1/lO)Ci- The second-order filter makes 
the PLL a third-order system. Most on-chip PLLs use this type of filter. 

The next block to consider is the VCO which acts as an integrator and gener­
ates a periodic output based on a control voltage input. A typical VCO for digital 
applications is presented in Figure 11.41a. This is a ring oscillator as we have seen 
before except that we have a controllable delay, T. The frequency of oscillation is f = 
l/2Nr, where N is an odd number. The -r of each stage can be adjusted by the con­
trol voltage Ve- In Figure 11.41b, we show a "current-starved" inverter where the 
control voltage adjusts the amount of current delivered to the inverter to charge and 
discharge the next stage. As the current varies, the delay through the inverter varies 
as well. By connecting an odd number of stages in series, the oscillator can be 
designed to generate the required clock signal. As the control voltage is adjusted, the 
oscillation frequency changes over a prescribed range. Obviously, this fignre is over­
simplified compared to the actual VCOs but the basic principle is the same. 

Since the output of the VCO generates the internal clock signal, it will have to 
be buffered so that it can drive the large loads associated with the clock tree. The 
appropriate buffer sizing methods are required so that the output of the VCO does 
not directly drive a large load. The last step of the PLL loop is the divider circuit, 
shown in Fignre 11.36. The purpose of this digital block is to reduce the frequency 
of the VCO output to that of the incoming reference clock so that a proper phase 
comparison can be carried out. 
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Figure 11A1 
(a) Typical VCO. (b) Current-starved inverter. 

This completes our brief look at the PLL. Clearly this is a challenging analog 
circuit design, especially in the presence of temperature and process variations. A 
critical design block is the VCO since it generates the clock used by the chip and is 
prone to jitter problems due to supply noise and other factors. As described earlier, 
jitter is the drift of the clock edge relative to the desired position. Note that the jit­
ter at the PLL input is not propagated to the output since the VCO generates a new 
clock signal. Therefore, the input jitter is effectively filtered out by PLL. One layout 
problem is that the PLL is sensitive to the switching noise of other circuits. The 
interaction with other blocks must be mininrized for proper operation. In addition, 
simulations of such circuits have been known to take a long time to complete. The 
use of this type of circuit will increase as chips get larger and there are more issues 
of clock synchronization on chips. 

The other useful circuit in digital VLSI designs is a DLL block that synchronizes 
the data with the clock signal. The PLL can be modified to implement a DLL by a 
substitution of the VCO with a voltage-controlled delay line (VCDL) (shown in 
Figure 11.42). The same type of analysis described for the PLL can be applied to the 
DLL. The circuit utilizes the control signal, V0 to vary the delay of each inverter. 
The VCDL circuit can be designed with multiple cascaded stages to construct a 
delay line. This circuit is popular since it has better stability properties than the PLL 
and is much easier to design. It can be stabilized using a simple capacitor as the loop 
filter. However, it transfers input jitter directly to the output. This circuit has been 
widely used in clock and data recovery applications. 
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elk 
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Figure 11.42 
DLL with VCDL (Voltage-Controlled-Delay Line). 

11.4.2 Clock Distribution Summary 

To summarize, the key to proper clock design is to balance as much of the design as 
possible. First, the clock skew should be minimized by using architectures such as a 
buffered H-tree. It should be controlled by limiting the maximum and minimum 
interconnect length, using symmetric tree architectures with equal-sized buffers, 
and using an all-or-none strategy for gated clocks. The last stage of buffering to drive 
the local flip-flops may not be identical since the funouts are not necessarily the 
same. However, the delay through the final buffers should be made the same. The 
clock edges should be kept as sharp as possible. The proper tradeoffs should be 
made to shield clock lines with VDD and Gnd to limit crosstalk. The power should 
be minimized through the careful ·control of capacitance, and the use of gated 
clocks. The supply voltage should be regulated through the use of decoupling capac- · 
itors, especially in the area of the large clock buffers that switch simultaneously. PLL 
or D LL circuits should be used to synchronize external and internal clock signals. 

Alpha 21264 is a good example of integrating clock hierarchy in its clocking 
network design, as illustrated in Figure 11.43. The global clock ( GCLK) is generated 
byan on-chip, low-jitter phase-locked loop (PLL). The GCLK signal is routed along 
a trunk to the center of the die and is distributed by X-trees and H-trees to 16 dis­
tributed GCLK drivers located in a windowpane pattern across the chip. Figure 
11.44 shows the clock hierarchy of the microprocessor. Local clocks and local con­
ditional clocks (gated clocks) are driven several stages past GCLK. The novelty of 
this approach is the use of a clock grid structure, much like the power grid structure 
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Figure 11.43 
Global clock (GCLK) distribution network. 
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Figure 11.44 
Clock hierarchy of 603 Mr'z alpha microprocessor. 
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described earlier in this chapter to reduce clock skew. State elements and clocking 
points exist from zero to eight gates past GCLK. There are six other global clocks, 
referred to as box clocks, that drive large grids over their respective execution units: 
a floating point, a bus interface, a load/store, integer pads, and an instruction issue. 
Smaller local clocks are generated as needed from any clocks without strict limits on 
the number, size, or logic function of the local buffers or on the requirements on the· 
duty cycle of the generated clocks. 
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PROBLEMS 
Pll.l List several known methods to address IR drop problems. Which of 

these methods are also effective for Ldi/ dt and EM issues? 

Pll.2 (a) A 0.4 µ,m wide wire running 400 µ,mis used for a power bus in a 
0.18 µ,m technology. It is connected to a pin with an inductance of 
L = 2 nH. There are 32 inverters with W = 1 µ.m connected to the 
power line, half of which are switching high simultaneously in a 
100 ps time period. What is the worst-case voltage drop at the far 
end of the power bus (near inv32)? Parameters: Metal 5 resistivity 
= 54m0/D, thickness = 0.8 µ,m. 

4{]0µm 

L 

invl inv32 

Figure P11,2 

(b) Assuming that !max= 106 Ncm, does the wire pass the electromi­
gration check? 

(c) If not, what width of wire is needed to pass the electromigration 
check? 
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Pll.3 In the simultaneous switching case shown in Figure Pl 1.3, 31 of the 32 
output drivers switch from high to low while the one:on the far right 
remains "stable:' Assuming that the bonding wire inductance is 10 nH, 
how much ground bounce is experienced when each inverter dis­
charges 50 pF over 1.8 ns through the chip ground? V DD = 1.8 V. 

Chip 
ground 

Board 
ground 

Figure P11.3 

11H 
50pF 

Bonding 
wires 

50pF 

11H 
50pF 

Pll.4 In the 2-phase non-overlapping clock system shown in Figure Pll.4, 
what is the minimum delay needed between Phi2 falling and Phil ris­
ing for the system to work properly? Assume that the maximum skew 
between any of the clocks is 1 ns, and that the delay through the latches 
is 0. Explain your answer. {Hint Note that the answer could be positive 
or negative.) 

Combinational Combinational 
logic logic .___ Latch !----. !----. Latch '----

tdnmx = 10 ns tdmu= 15 ns 
tdmin =Ins !dmin = 2 DS 

t . t 
Phil Phi2 

Figure P11.4 

Pl 1.5 In the above problem, redo the analysis assuming flip-flops in place of 
latches and a single clock. 
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Pll.6 In the system shown in Figure Pll.6 which uses two edge-triggered 
flip-flops, find the minimum clock cycle time. Assume that the setup 
time of the flop is 0.4 ns, the clk-to-q delay is 0.3 ns, and the hold time 
is 0.1 ns. The worst-case clock skew is 0.6 ns. The dotted lines in the 
combinational logic (CL) block indicate the longest delay along the 
path from input to output. Highlight the critical path, and label which 
clock is skewed early and which is skewed late for your calculation of 
the clock cycle. (Hint: think about the time to go from the output of 
one flop to the input of the ne>.1: and take into account all the time 
components to make this trip.) 

D Q 
4ns --- ________ .., -

' 4 ' , ' , ' , ' , ' , 
CLK ' , ' , ' , 
I 

)' ,, 
6ns / '\ Sns 

, ' , ' , ' , ' 
,-,.. D Q 

/ __ 4ns ___ ~ -

CLK 
CL 

I 
Figure P11.6 

Pll.7 The circuit shown in Figure Pll.7 is to be used to design a decoupling 
capacitor and, in particular, to select the proper channel length. Simu­
late this circuit in SPICE by applying an initial condition to the supply 
node of 1.8 V (do not use a voltage source here). Plot the voltage at the 
supply node when the inverter output is switched from low to high. 
Generate a family of curves by changing the Wand L of the decoupling 
capacitor, but maintain a constant value of gate area for the decap. 

Figure Pl 1.7 Decap Inverter 

' ' 
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What is the optimal value of L according to your results? Assume 
0.18 µ,m technology parameters. You will have to use,a nonquasistatic 
model in SPICE. 

Pll.8 For the circuit in Figure 11.27, plot the incoming dock signal and the 
output clock signals. Design the circuit so that it has equal delays from 
the Clk to both outputs. 

Pll.9 For the circuit in Figure 11.41b, use SPICE to plot -r versus Ve if W = 
0.5 µ,m for all devices. Assume that the inverter drives another identi­
cal inverter. Given the results from SPICE, what is the frequency range 
of the VCO in Figure 11.41a if there are 25 stages? 

Pl 1.10 You are required to drive a 10 mm wire with minimum delay. However, 
your input capacitance must be 12A (i.e., due to the input capacitance 
of a 2X inverter). Answer the following questions using rapid "back-of­
the-envelope" calculations, and then redo the problem using detailed 
analysis. Finally, compare the results with SPICE. 

(a) First draw a schematic of the circuit involving only inverters and 
wires that will produce the minimum delay. Your circuit-should 
have inverters that start at 2X and increase in size until they reach 
the buffers that are inserted to drive the wire segments. Show the 
entire delay path from end to end 

(b) Size the inverters to produce the minimum delay. 

(c) Compute the delay value from the 2X inverter to the end of the 
wire. 
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