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Preface to the Third Edition

Motivation for a Third Edition

Since the publication of the second edition over 15 years ago, the integrated circuit
(IC) industry has undergone a tremendous amount of change. The most significant
trend is the emergence of CMOS as the dominant IC technology. Other technolo-
gies such as NMOS, bipolar, and GaAs, have given way to CMOS due to considera-
tions such as power, level of integration, and cost. The tools, technologies, and
know-how in CMOS are so pervasive that it will continue to lead the industry for
the next decade.

A second important trend is that scaling is continuing its relentless pace accord-
ing to Moore’s Law. The industry reached the 1 um minimum line width around
the time of publication of the second edition. This was once considered to be a
physical and psychological limit of scaling. However, it was quickly realized that
transistors could be fabricated with minimum dimensions well below 1 um and this
ushered in the submicron era. Since then, we have been witness to six generations
of technology scaling: 0.8 um, 0.5 um, 0.35 wm, 0.25 um, 0.18 um, and 0.13 um.

At roughly the 0.35 um technology node, we entered the deep submicron era
where a number of fundamental changes were encountered in behavior of transis-
tors and wires. Devices experienced a number of short-channel effiects, perhaps the
most important of which is velocity saturation. Interconnect began to control many
of the electrical properties of the design such as delay, noise, power, and reliability.
As a result, the transition from 0.18 um to 0.13 pem also triggered a wholesale switch
from aluminum to copper to mitigate these new interconnect issues. With all of

these fundamental changes in the IC industry, there was a need to completely revise
this book.

What's in the New Edition?

e We have focused on CMOS technology and moved the bipolar material to
an Appendix.
e The content is based on 0.18 umand 0.13 pwm CMOS technologies.
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e Most recent CMOS fabrication processes are described, including shallow-
trench isolation, copper interconnect, and low-k dielectrics.

Two important chapters have been added on deep submicron interconnect.
New material has been added on logical effort that is useful for back of the-
envelope calculations of optimal gates sizes in high-speed CMOS design.

e Advanced material has also been added on Flash memories, field program-
mable gate arrays, and content-addressable memories.

e A chapter has been added on advanced power grid design, clock design, and
phase-locked loops.

e A new section has been added on BSIM3 modeling and simulation.

e This edition uses short-channel MOS device equations with velocity satura-
tion throughout the book. New equations have been derived for noise mar-
gins and switching thresholds.

e Junction capacitance modeling has been updated to include shallow-trench
isolation effects.

A SPICE tutorial has been provided in Appendix A.
Gallium arsenide has been removed from this edition.

With these changes, the new edition of the book will be valuable for many years to
come.

Why Buy This Book?

This book will teach you how to thinklike a designer. It is the product of the design
know how of many of the leaders in the field. This edition also contains extremely
valuable information for practicing engineers in the semiconductor industry. The
real value of the book is that it starts with the fundamentals of semiconductor
devices and sequences in a step-by-step fashion to the key issues of digital IC design
in deep submicron technologies. Like the previous editions, it is intended to be used
as a fourth year university textbook, with some of the latter material suitable for
first-year graduate courses.

This book retains the readability and accessibility of previous editions that led
to its widespread use. While the goal is to provide the reader with the key concepts
and equations for digital IC design, it provides much more detail than other books
in the field. Concepts are introduced in a logical sequence and then reinforced
throughout the book. Complex equations are reduced to simple design equations
that can be used to carry out rapid hand calculations.

There are many derivations, worked examples, exercises, and SPICE simula-
tions to allow the student and practicing engineer to build a solid understanding of
the material in each chapter. There are problems at the back of the chapter to gain
experience with the material and explore other topics not directly covered in the
chapter. The chapter summaries are in the form of useful equations and parameters
from each chapter. The inside front and back covers provide useful parameters, scale
factors, and conversion factors that are used throughout the book.
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Website for the Book

A website for the textbook is available through McGraw-Hill. The website contains
solutions, supporting material, color diagrams, illustrations, design problems, and
errata. The website is valuable in constructing lecture material for a course based on
this book.

Advanced CMOS Technologies

The material in this book is built around the 0.18 xm and 0.13 ;2m technology
nodes. Both technologies are covered in enough detail to select one or the other as
the primary technology for a course based on this book. Since SPICE is the simula-
tion tool used in this book, it is necessary to have access to device models for one of
these two technologies for the course. All of the SPICE examples are based on
0.18 tum, while the worked problems are based on both 0.18 tm and 0.13 tvm tech-
nologies. The textbook is also suitable for technologies below 0.13 tem, with appro
priate changes in the examples and problems at the back of the chapters.

Advanced Topics

Advanced topics are included for stuaents wishing to go beyond the basic materia.
of this text and gain insight into the issues in industry. They are designated with an
asterisk (*) and may be skipped without loss of continuity.

How to Use This Book

Chapters 1-3 comprise the foundational material upon which the rest of the book
is based. Chapters 4—7 are the main body of the text where all of the transistor-level
design issues are described in detail. Chapter 8 focuses on an application of all
material covered in the book, specifically in static memory design. Chapter 9
describes advanced topics in semiconductor memory design. The book continues
with a detailed treatment of deep submicron interconnect issues in Chapter 10 and
concludes with power grid and clock design in Chapter 11.

For a 15 week semester course, with 3 hours of lecture time each week, the
entire text may be covered at the rate of about one chapter each week. For a 12-week
course, there is sufficient time to cover Chapters 1-8, Chapter 10, and selected top-
ics in Chapters 9 and 11.

In a 10 week course, only Chapters 1-8 and Chapter 10 can be covered assum-
ing that much of the advanced topics are skipped. Depending on the background of
the students entering the course, instructors should use their own' discretion in
selecting the appropriate material and sequencing of this book.

A chapter by-chapter outline of the topics follows.
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PREFACE

Chapter1

Deep Submicron Digital IC Design

In the first chapter, we provide a perspective on digital design in the deep submi-
cron era and motivate the topics in the rest of the book. We briefly review impor-
tant concepts of logic gates primarily to provide notational context for the book,
including the ideal logic element, static input-output characteristics, noise margin,
and propagation delay time. Then we elaborate on the key issues in deep submicron
such as power dissipation, velocity saturated transistors, interconnect resistance,
coupling capacitance, and inductance. The role of computer-aided design tools such
as SPICE is described. The chapter concludes with the challenges ahead as described
in the technology roadmap.

Chapter 2

MOS Transistors

The short-channel device models to be used in the rest of this book are described in
this chapter. To begin the treatment, rudimentary device physics concepts are cov-
ered to explain the threshold voltage equation and the transistor current equations.
Both long- and short-channel models are derived. Then the oxide and junction
capacitance models are described to complete the chapter.

Chapter 3

Fabrication, Layout, and Simulation

This chapter describes the relationship between fabrication, layout, and simulation
in the integrated circuit design process. The topics of fabrication and layout are
important to IC designers and should be well-understood. However, for this course,
it serves more as a background for the rest of the text. The more important subject
is simulation with SPICE. The model parameters for SPICE are detailed in this
chapter. A brief user manual is provided in Appendix A for those unfamiliar with
the basics of SPICE. We also provide some advanced material on MOS transistors
and fabrication technologies of the future.

Chapter 4

MOS Inverter Circuits

This is a core chapter on MOS digital inverters and introduces concepts of voltage
transfer characteristics, noise margins, inverter configurations, and simple timing
and power calculations. Analytical equations are derived for noise margin parame-
ters and switching thresholds of inverters for a number of MOS inverters.

Chapter 5

Static MOS Gate Circuits

This is another core chapter of the book. It examines the static design issues for
NANDs, NORs, and complex gates. It develops extensions to inverter design to size
the transistors in CMOS gates. Sequential elements, such as flip-flops and latches,
are described in this chapter. The chapter concludes with a detailed treatment of the
various components of power dissipation in logic gates.
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Chapter 6

High-Speed CMOS Logic Design

This chapter describes the issues involved in high-speed logic design. It develops
useful equations for switching delay calculation for step and ramp inputs. This
involves the use of the large-signal on-resistance of gates, and the calculation of the
loading capacitance, both of which are detailed. The total capacitance can be com-
puted using two key parameters for input and output capacitance. Gate sizing for
equal delay and minimal delay are described. The thrust of the latter half of this
chapter is high-speed logic optimization using logical effort.

Chapter 7

Transfer Gate and Dynamic Logic Design

In this chapter, we explore dynamic design techniques using transmission gates and
precharged logic. The important concepts of charge-sharing, bootstrapping,
feedthrough, and charge leakage are elaborated in this chapter. Domino logic is
described in detail as it is the most common form of dynamic logic in use today.
These concepts lay the groundwork for the operation of many of the memory cir-
cuits discussed in the next two chapters.

Chapter 8

Semiconductor Memory Design

This chapter addresses the analysis and design of VLSI memories, commonly
known as semiconductor memories. In this chapter, we classify the different types
of memory, examine the major subsystems, and then focus on the static RAM
(SRAM) designissues. This topic is particularly suitable for our study of CMOS dig-
ital design as it allows us to apply many of the basic concepts presented in earlier
chapters. The entire design process for static RAMs is described in detail.

Chapter 9

Additional Topics in Memory Design

This chapter explores a variety of other semiconductor memories, their architec-
tures, access mechanisms, and cell configurations. We begin by examining content-
addressable memories, since they are a derivative of the SRAM architecture. We also
cover an important application of SRAM cells in the growing market segment of
programmable logic called field-programmable gate-arrays (FPGAs). The chapter
sequences through dynamic RAMs, mask-programmable ROMs, erasable program-
mable ROMs, electrically-erasable ROMs and Flash memories, and concludes with
a look at memory cells based on ferroelectric materials called FRAMs.

Chapter 10

Interconnect Design

This chapter is devoted to the study of interconnect issues that the IC designer faces
when designing in deep submicron technologies. It addresses the issues associated
with RLC aspects of wires in detail. We begin by re-examining the RC delay calcu-
lation using the Elmore delay, and address the issue of buffer insertion in long wires.
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PREFACE

Then we examine the capacitances associated with 3D interconnect which leads to
a discussion of the effect of coupling capacitance on delay and crosstalk in logic cir-
cuits. The chapter continues with a discussion of inductance effects, and concludes
with a look at antenna effects.

Chapter 11

Power Grid and Clock Design

In this chapter, we address two chip-level design issues that are dominated by inter-
connect: power system distribution and clock distribution. This chapter addresses
advanced issues such as power routing, IR drop, Ldi/dt, and the impact of voltage
drop on timing. The chapter highlights the interaction of the power system with the
clock design. It also addresses clock generation and phase-lock loop (PLL) circuits
to conclude the chapter.
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DEEP SUBMICRON DIGITAL IC DESIGN 15

blocks, etc. Therefore, a variety of methods may be required to have a reasonable
estimate of the total power.
The basic power equation is

P=1X Vp, (1.2)

where [is the current flowing from Vjp, to ground. The power dissipation of a logic
gate may be broadly categorized into static and dynamic power. Static power
involves power dissipation when the gate is not switching. Dynamic power involves
the power during switching operations. The total power is a combination of the
static power and the dynamic power:

P total — P, static + P dynamic (1-3}

For the static case, I'is simply the steady-state current when there is no switching.
This can be due to any de¢ current that may exist or leakage currents in the circuit:

Pooe = (Inc * Teatage) Vop (1.4)

Dynamic power is associated with switching from high-to-low and low-to-high.
The power dissipated is a function of the voltage swing, capacitance, and switching
frequency. In the dynamic case, we will find that

Prl'yrrmm'r = Cvf)ﬂf (15)

where fis the switching frequency of the gate and Cis the output capacitance driven
by the gate, In circuit design, we attempt to design high-performance circuits that
dissipate low power. However, high-speed implies a large fand requires large tran-
sistors with a large C. This unfortunately increases the overall power dissipation.
Clearly, a power-delay tradeoff exists and we can only hope to balance the desired
speed with the maximum allowable power dissipation. Even though this is a simple
example, it provides some insight into the type of compromises that are involved in
circuit design.

1.4 Digital Integrated Circuit Design

Simply stated, design is the effective management of a large number of engineering
tradeoffs, This is true in virtually all engineering disciplines, but it is particularly
true in design of integrated circuits where a large number of tradeoffs are possible.
The main tradeoffs relate to timing, power, and area. Today, timing and power are
the two most important specifications for the design, with area being a lower prior-
ity due to the scaling of technology and the level of integration that is possible.
Other important issues include noise tolerance, testability, yield, temperature, sup-
ply fluctuations, short-term and long-term reliability, time-to-market, cost, and
packaging considerations. Each design may have a different set of priorities relative
to these issues, but all of these factors will influence the design decisions in one way
or another.
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16 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

As mentioned earlier, the goal of this book is to teach you to think like a
designer. While all of the above issues cannot be fully described in one book, the art
of making engineering tradeoffs can be conveyed. This involves the use of simple
models that allow you to carry out “back-of-the-envelope” calculations. This will
also help to develop intuition about circuits and how they work. Other techniques
will be described that allow you to quickly optimize a circuit for speed and assess
different alternatives for a particular function. A popular misconception is that
good circuit design involves new and innovative circuit topologies. In contrast,
industrial circuit design is more concerned with getting a chip to work the first time
in the presence of process and environmental variations, and at low cost. It must
also be delivered within a market window and operate properly for the expected
lifetime of the chip. While there is a place for new circuit configurations, this book
addresses mainstream circuit design techniques.

1.4.1 MOS Transistor Structure and Operation

We now turn our attention to the MOS transistors that will be used to implement
logic gates. At a very high level, the MOS transistor essentially behaves as a switch. It
has two major states: on or off When itis on, it is conducting current; in the off state,
there is no current flow. This basic transistor action can be used to build up complex
logic functions. For example, parallel combinations of these switches can be nsed to
implement the OR function, while series combinations can be used to implement the
AND function. We will illustrate, in later chapters, how a collection of transistors can
be configured to operate as an inverter, buffer, NOR, NAND, MUX, D-flip-flop, etc.
At this stage, we simply need to understand the structure and operation of the tran-
sistor, so that some of the design issues can be elaborated further.

The structure of an NMOS transistor is shown in Figure 1.10, The acronym MOS
refers to the vertical layers of metal-oxide-semiconductor. The metal is usually a
silicon-based material called polysilicon.® The oxide is silicon-dioxide with a thick-
ness of t,, as shown in the figure. The transistor is comprised of two heavily doped
n* regions diffused in a lightly doped p-type substrate. The #* regions have a large
supply of mobile electrons available for current flow, while the p-type region has a
large supply of mobile holes. The n* regions are separated by a distance, L, referred
to as the channel length, The other important dimension of the transistor is the chan-
nel width, W, which goes into the page {not shown). This device is called an NMOS
transistor since it has two n* regions, referred to as the source and drain, The other
two terminals of the device are the gateat the top and the substrate at the bottom.

In the figure, the source and substrate terminals are both grounded. The gate
terminal has voltage V;applied to it and the drain terminal has voltage V) capplied
to it. When Vg is 0V, the transistor is said to be in the “off” condition. This is
because there is no current flow between the drain and source regions. In this
condition, there is no path between the source and drain for electrons to flow. In
fact, there are more holes than electrons in the region between the source and drain.

% The use of the word metal is somewhat of a misnomer. In the early days, aluminum was used as the metl
gate but the industry quickly switched to polysilicon due to yield problems. The acronym MOS has remained
with us in spite of the change in material.

S e B S i
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Figure 1.10
Basic transistor structure.

When a sufficiently high, positive value of Vi is applied at the gate node, it will
invert the surface of the semiconductor. The gate voltage at which this inversion
occurs is called the threshold voltage, Vi, of the device. Under these conditions, a
bridge of mabile electrons exists extending from source to drain, The transistor is
considered to be “on” in this condition. Current will flow if a potential difference is
created between the source and drain nodes using Vp,. This is an n-channel tran-
sistor since the palarity of the carriers in the channel is negative. A similar but
opposite transistor, the p-channel transistor, can be created by diffusing two heavily
doped p* regions into a lightly doped n-type substrate. For the PMOS device, a neg-
ative voltage Vi, of sufficient magnitude will invert the sarface, and a negative
potential difference for Vi, will initiate hole current flow.

1.4.2 CMOS Versus NMOS

With this basic understanding of the NMQS and PMOS devices, we can construct
our first logic gate: the CMOS inverter. As shown in Figure 1.11, a CMOS inverter
is comprised of an n-channel device and a p-channel device. The inverter is con-
nected between the positive power supply voltage, V,,, and ground, which we refer
to as Gnd throughout the text (Vs also used for this reference node). The PMOS
device is the pull-up device connected to V. Its role is to pull the output to a high
value. The NMOS puil-down device is connected to Gnd, and its role is to pull the
output to a low value. The input, V,, is connected to the gate terminal of both
devices, while the cutput, V,,, is the drain terminal of both devices. When the input
is at Vip, the NMOS device is on while the PMOS device is off. Hence, the drain cur-
rent of the NMOS device flows through a highly conductive channel and discharges
the output capacitance. The result is that V, is 0 V. When the input is at 0V, the
NMOS device is off while the PMOS device is conducting to pull the output to Vp,.
Clearly, this configuration functions as an inverter.
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Vop

..G_cl PMOS device

Figure 1.12
=  NMOS device Basic NMOS-style inverter,
Gnd (Vsg)

Figure 1.11
CMOS inverter schematic.

In either the high or low state, CMOS inverters dissipate very little power
because one of the transistors is always off. The tiny steady-state power consump-
tion of CMOS is its most attractive feature.

In the 1970s and early 1980s, NMOS technology was dominant. In this tech-
nology, p-channel devices were not allowed, since #-channel devices were known to
be superior to p-channel devices, All gates were constructed from n-channel tran-
sistors. An example of an NMOS inverter is shown in Figure 1.12. Here, the pull-
down device is the same as in the CMOS inverter, but the pull-up device is shown
as a resistance, R;. The resistance was implemented with a special type of n-channel
transistor that remained on all the time, referred to as a depletion-mode device.
When the input to this inverter is low, the resistor pulls the output to a high value
since the pull-down device is off. When the input is high, the pull-down device
attempts to pull the output low, while the resistor tries to pull the node high.
The sizing of the devices ensures that a valid low output is established. How-
ever, when the output is low, there is dc current flowing from Vj, to Gnd given by
(Vpp = Vor)/R.. As a result, the gate dissipates steady-state power when the output
is low, as shown in Figure 1.12.

When the scaling of MOS technology permitted several hundred thousand gates
on the chip, it began to signal the demise of NMOS technology. The reason is that if
half the gates on the chip had a low output, then they would be dissipating power. In
the standby condition where no logic switching takes place, high levels of power
would be dissipated unnecessarily, As the number of gates increases in accordance
with Moore’s Law, the power continues to increase. In the case of CMOS gates, very
little standby power is dissipated whether the output is high or low. If fact, even with
a number of notable disadvantages of CMOS, its low standby power eventually won
out and led to the extinction of NMOS-only technologies.

In keeping with its technology dominance, this book focuses on CMOS digital
circuits. It covers many different types of CMOS logic gates, their implementation
and their design tradeoffs. While there have been many types of interesting CMOS
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circuits devised over the years, this book aims to provide coverage on the logic fam-
ilies that have emerged in mainstream design. However, there are new issues to
address associated with deep submicron interconnect providing a second major
focus for this book. This is highlighted in the next section. The hope is that, with a
solid understanding of CMOS logic design and interconnect design concepts cov-
ered in the chapters to follow, the reader will be able to quickly grasp almost any
new circuit topology or interconnect issue in the open literature.

1.4.3 Deep Submicron Interconnect

We now turn our attention to the wires in deep submicron technology. These wires,
commonly known as interconnect, are used to provide connections between gates
and also to route the power supply and ground to all the gates on the chip. In the
early days of integrated circuit design, the connection between the transistors that
form the logic gates was a simple routing exercise. Only one or two metal layers were
available to wire up the devices. Since there were only a few thousand gates on
the chip, the wiring process was rather straightforward, and the capacitances and
resistances associated with these wires could be safely ignored. With technology
scaling, the transistor density increased tremendously following Moore’s Law. A
new problem arose due to routing congestion. As the routing capacity of each layer
was exhausted, the addition of many more levels of interconnect was needed to
complete the routing. Meanwhile, the length of the wires increased to the point
where the capacitance-to-ground of the wires could no longer be neglected. For
example, to compute the delay of the inverter shown in Figure 1.11, calculation of
capacitance value at the output required the inclusion of wire capacitance for any
wire with an appreciable length.

Figure 1.13 provides an indication of the sheer density of interconnect in ICs
today. Wires on a particular layer run in one direction while wires on another layer
run in an orthogonal direction. In the past few years, the number of layers of inter-
connect has grown to more than eight.

More importantly, the introduction of multilayer interconnect and scaled
dimensions have caused numerous problems. Interconnect issues now dominate
the performance, reliability, and power distribution of advanced integrated circuits
and, in some sense, interconnect is more important than the devices carrying out
the logic operations.

Two prominent effects of scaling are shown in Figure 1.14. First, narrow wires
have a nonnegligible resistance associated with them as illustrated in Figure 1.14a.
This was noticed in earlier technologies but it became a problem at the 0.35 um
technology node. Second, the wires are getting thinner but not decreasing as rapidly
in height. This produces wires that look like tall thin conductors. When placed
next to one another they form parallel plate capacitors that couple two signals
together, This capacitance was present in earlier generations, but its value was
negligible. In present day technology, this coupling capacitance is significant, as seen
in Figure 1.14b. This is also reflected in Figure 1.13 by the number of parallel lines
adjacent to one another. These lines are tightly coupled due to the large capacitances
between them.
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Figure 1.13
Example of integrated circuit layout dominated by routing.

DISM technology

{0)

Figure 1.14
Wiire rasistance and coupling capacitance,

In Figure 1.15, we show two effects of increased resistance. The delay of a sig-
nal can no longer be computed with the wire capacitance alone, Wire resistance
must now be included (Figure 1.15a) to determine the delay accurately. The
increased resistance in the power supply lines, as shown in Figure 1.13b, causes volt-
age drops along the wire, referred to as IR drop. This may affect the timing and func-
tionality of gates connected to the power lines if the drop becomes too significant.

An increase in wire resistance can sharply increase the delay along the inter-
connect as the length increases. For long wires, the interconnect delay is propor-
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Figure 1.15
Effect of interconnect resistance. (a) RC delay. {b) IR drop.

tional to the square of the length. At some point the interconnect delay overtakes
the gate delay. This is not an acceptable situation when the wire delay is larger than
the delay of the gate driving it.

A number of new design techniques were introduced to mitigate this problem.
For example, copper was introduced as wire material due to its lower resistivity.
Another effective approach for long wires is to insert large buffers at intervals along
the wire to keep the delay from being larger than the gate delay. By inserting buffers,
the interconnect lengths are effectively shortened, thereby reducing the delay.

Clock design has become a major challenge due to the size of chips, the num-
ber of flip-flops to be driven, and the interconnect effects. The clock is an important
signal that must be routed to almost all points of the chip. Differences in the arrival
times of the clock to their target flip-flops is called clock skew. To minimize delay
and skew, the interconnect lengths can be shortened by inserting buffers at certain
intervals along the wire and ensuring that the delay to all points is roughly the same.

Figure 1.16 illustrates the impact of interconnect on clock design, A buffered
clock tree and its corresponding delay diagram is shown in the figure. On the left,
the clock root node is situated in the lower portion of the design and the main spine
is routed from this point to the various blocks on the chip. The clock signal is then
delivered to the target flip-flops in each block. A three-dimensional view of the
delay from the clock root to various points on the chip is shown on the right side.
This delay plot is color-coded such that clocks that arrive early are shaded white and
gray, and late-arriving signals are darker. In the figure, there are a number of late-
arriving signals with a high skew as evidenced by the many dark peaks.

Increased resistance in the power grid leads to IR drop, as illustrated in Figure
1.17. This is a contour plot of the voltage drop across the chip. The ideal supply
voltage exists only at the boundaries of the chip, with reduced values available to
gates inside the chip. If the voltage drops below 10% of the ideal value of V), the
circuit may not operate as expected. A different shade is used for each voltage range
starting with a lighter shade for voltages near V. The dark shading near the cen-
ter of the chip indicates a violation of the noise budget of 10% calling for a redesign
of the power grid.
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Figure 1.18
Effect of coupling capacitance.

The next issue to examine is the effect of coupling capacitance. A circuit repre-
sentation of coupling capacitances along interconnect lines is shown in Figure 1.18.
Problems occur when one or more gates switch. The switching of a given gate can
affect the neighboring lines in two ways. First, the delay may be unpredictable since
the effective coupling capacitance may be large or small depending on the switch-
ing characteristics of the neighboring lines. Second, noise may be injected into the
neighboring lines and upset their logic values. These two problems became serious
issues in 0,25 wm designs, and continue to plague designs at 0.18 pm and below. To
combat this problem, designers will space out the wires to reduce capacitance. In
addition, new Jow-k dielectrics are under development to replace oxide as the insu-
lating material between metal lines.

If this is not enough, recently, the issues of self and mutual inductive effects
have been encountered. In the power grid, an additional voltage drop of Ldi/dt is
observed in addition to the aforementioned IR drop. This term is important due to
the large rates of change of the current seen in advanced high-speed designs. There
are also documented occurrences of mutual inductive coupling effects in multibit
busses which have led to intermittent failures in the design. A realistic scenario for
the power and signal lines today is illustrated in Figure 1.19. Not shown due to the
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Figure 1.19
Power and signal fines in DSM logic circuits.
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CHAPTER

MOS Transistors

2.1 Introduction

This chapter focuses on the semiconductor devices used in mainstream integrated
circuits. MOS devices, pn junctions, and device capacitances are all covered here, We
will spend much of this chapter examining basic physics and modeling of MOS
transistors, It is an important chapter in that it lays the foundation for many of the
design equations to be used throughout the book. Of course, it is difficult to have
complete coverage of the background needed to grasp the device physics in one
chapter, Readers who are unfamiliar with the terms and concepts presented here
should consult the references for the prerequisite material. Tt is expected that many
students embarking upon a study of this text will have had a course in semicon-
ductor devices, including the MOS transistor. However, even these students should
study this subject matter because the emphasis is on the specific characteristics of
MOS devices that are important to VLSI digital circuit design.

35

56



57



MOS TRANSISTORS 37

and the degree of approximation involved in each. If we know the detailed models,
and the approximations used to derive the simple models, we can safely use the sim-
plified models and gain a tremendous insight into the behavior of complex devices.
Keep this in mind as you work your way through the material in this chapter.

2.2 Structure and Operation of the MOS Transistor

A simplified view of an n-channel polysilicon-gate MOS transistor is shown in Fig-
ure 2.1. In simple terms, there are two operating modes for this transistor: on and
off. This is true of all transistors. We must use the terminals provided on the device
to place it in these two possible conditions. The four terminals are the gate, drain,
source, and bulk (or body, or substrate). The schematic symbol for the NMOS device
is shown with these four terminals labeled as G, D, S, and B, respectively. In the on
condition, electron current flows from source to drain. In the off condition, no
current flows in the device, To turn it on, a voltage is applied to the gate node to set
up an electric field that creates a conductive channel between heavily doped n-type
(n*) source and drain regions,’ and current flows when a potential difference exists
between these two nodes.

Poly gate

Edrain NMOS

L

b substrate

l

Bulk

Figure 2.1
NMOS transistor structure and symibol,

! The notation #* implies doping >10"/cm?, n~ implies doping < 10"/cm’, and n is not specific. The same
convention applies for designations of p-type material,
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tors. The main requirement on the field regions is that they should never permit
conduction between separate active regions. In NMOS, all conduction is via elec-
trons, so the field region fulfills its purpose if electrons can never pass through it. In
addition, a thick layer of silicon dioxide over the field regions is used to minimize
unwanted capacitance from interconnecting metal to the body.

The transistor regions in the body comprise 1™ source and n™ drain regions
separated by p-type material in the channel region. Typical devices are symmetrical,
just as the one shown in Figure 2.1; source and drain are interchangeable. Strictly
speaking, the source and drain can be only identified after the polarities of applied volt-
ages are established. Tn NMOS, the more positive node is defined as the drain. With
no external voltages applied, the path from drain fo source has two pn™ junction
diodes in series, back to back, with the body as a p region common to them. These
junctions should never be forward-biased. In fact, the subtrate should be connected
to the lowest possible potential in the circuit, typically a ground potential, called Vi
or Gnd, The only current that is permitted to flow across the junctions is diode
reverse leakage current.

Now consider the result when source, drain, and body are all tied to ground and
a positive voltage is applied to the gate. From simple concepts of electrostatics, a
positive gate voltage will tend to draw electrons from the substrate into the channel
region. The #* source and drain regions also provide nearby copious sources of
electrons. Once electrons are present in the channel region, a conducting path is
present between drain and source. Current will flow from drain to source if there is
a voltage difference between them. That is, electrons will flow from source to drain
in this condition.

To first-order, the conducting channel does not form for very small positive
gate voltages. The electrostatic potential at the surface of the p-type material in the
channel region must be made positive by application of a larger gate-source voltage.
The gate voltage needed to initiate formation of a conducting channel is termed
the threshold voltage V. This important device parameter is analyzed in the next
section.

Now consider the structure of the device in Figure 2.2, called the p-channel or
PMOS device. It has complementary characteristics to the NMOS device. While the
structure is the same as the NMOS device, the doping is opposite. The heavily doped
regions in the body comprise p* source and p* drain regions separated by lightly
doped n-type material in the channel region. Again, the source and drain are inter-
changeable and can be identified only after the polarities of applied voltages are estab-
lished. In PMOS, the more positive node is defined as the souree This is represented in
the schematic of Figure 2.2 by reversing the positions of the source and drain.

The substrate is an n-type material that must be created in advance of placing
the source and drain regions. It is often referred to as an n-well or n-tub, especially
if it is created in a silicon wafer that is initially doped with a p-type background
material. In this case, it would be called an n-well process. If both #-channel and
p-channel devices are created in their own wells, it is referred to as a double-well
or twin-tub process. Again, the path from drain to source has two p*# junction
diodes in series, back to back, with the body as an n region common to them. The
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Figure 2.3
CMOS transistars structure,

negative thresholds, but in CMOS designs, we rarely (if ever) use depletion-mode
devices today.

Figure 2.3 shows a cross-sectional view of a modern silicon-gate CMOS struc-
ture. While it is not drawn to scale, it represents the typical profile after fabrication
of a twin-tub CMOS process, the details of which are left to Chapter 3. We now
know that the PMOS devices are symmetrical but opposite to NMOS$ devices in
terms of doping and voltage polarities. In CMOS circuits, all devices are assumed to
ke enhancement-mode devices, They are separated by oxide regions using a method
called shallow-trench isolation (STI). The NMOS device has a positive threshold
voltage while the PMOS device has a negative threshold voltage. The equations to
be derived in the sections to follow are based on the NMOS device, but apply
equally to the PMOS device after the appropriate sign changes.

2.3 Threshold Voltage of the MOS Transistor

In order to fully understand the mechanisms behind the threshold voltage deriva-
tion, we must examine the energy-band diagram of a material as shown in Figure
2.4. This diagram is a representation of the allowable energy states for electrons.
Two distinct levels are defined: the conduction band, E, and the valence band, E,
In order to have electrical conduction, an electron must move from the valence
band to the conduction band and, in doing so, must surmount the barndgap associ-
ated with the material. In metals, the two energy levels overlap making the bandgap
effectively zero; electrons can freely move from one band to another. In insulators,
the energy levels are very far apart and the barrier is insurmountable. In senicon-
ductors, the gap is relatively small, 1.1 eV for silicon. Since there are no allowed states
in the bandgap region, electrons must have enough energy to jump from the valence
band to the conduction band. However, since the gap is relatively small, energetic
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Energy-band diagram: for doped p-type silicon.

electrons are able to surmount this barrier from time to time due to thermal exci-
tation.

In an undoped semiconductor, the total number of electrons that are able to
surmount this barrier is termed the intrinsic carrier concentration, n;, This depends
on the number of available states in the conduction band and the probability of
occupancy of these states, which depends on the temperature. For example, #, at
room temperature is

n; = 1,45 X 10"/cm’ (2.1)

The relationship between the intrinsic carrier concentration and the holes and elec-
trons at equilibrium is given by the mass action law:
= 2

np = nj (2.2)
where 7 is the mobile electron concentration and p is the mabile hole concentra-
tion. This equation tells us that the mobile electrons and mobile holes must have
equal concentration in undoped silicon at equilibrium. To represent this on the
energy band diagram, we define the intrinsic Fermi level as a line where the proba-
bility of electron occupancy of an empty state is 50%b. This is denoted E; in Figure
2.4 and is located roughly midway between the conduction band and the valence
band.

More generally, the probability of electron occupancy of an allowable state is
based on the doping level in the semiconductor. As we increase the doping level, N,
of silicon with p-type acceptor impurities such as boron, the probability of electrons
in the conduction band is reduced and the actual Fermi level (50% probability
point) shifts below the intrinsic Fermi level. This is because we are adding holes to
the semiconductor and reducing the likelihood that an electron will surmount the
barrier. The mass action law can be used to support this fact. If p = N, »> n,, then
the mobile electron concentration is reduced to
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which is much smaller than ;. Since there are fewer mobile electrons, the probabil-
ity that the empty states in the conduction band will be occupied decreases.

The amount of shift in the Fermi level due to the doping is called the electro-
static potential. Conventionally, the equilibrium electrostatic potential ¢ in a semi-
conductor is defined as the difference between the intrinsic Fermi level and the
actual Fermi level in the p-type or n-type doped semiconductor:®

kT 1
bpp = ‘E In ; (2.3a)
or
kT n
by = _é- 11'1"?'”1”" {2.3b)

where the equilibrium majority mobile carrier concentration is assumed to be equal
to the doping concentration p = N, for p-type material, or n = N}, for n-type
material.

The kT/q term is called the thermal voltage, V,;,, which {s'approximately 26 mV
at room temperature. (Do not confuse this with the threshold voltage, ¥, which is
a completely different quantity!) By convention, ¢ is negative for p-type semi-
conductor material and positive for n-type material. For example, in a p-type mate-
rial, we would have:

b =—In—" (2.4)

Since N, is the doping level in the p-substrate, and the value of Ny >> 1, the elec-
trostatic potential is negative.

Now that the energy band diagram has been reviewed, its application to the
threshold voltage derivation can be described. Recall that the MOS structure is
comprised of a metal material (polysilicon), a gate oxide, and the silicon body. The
gate and body of the MOS transistor form the plates of a capacitor with silicon diox-
ide, Si0,, a5 a dielectric. The gate-oxide capacitance per unit area is defined as:

Coe = — (2.5)

where &, is the permittivity of oxide and #,, is the oxide thickness.

The threshold voltage for a long-channel enbancement-mode NMOS device
can be derived using the transistor cross-section shown in Figure 2.5. Consider the
body, source, and drain connected to ground and a voltage Vi (initially zero)
applied to the gate, As Vg, changes from zero to a positive value, positive charge
accumulates on top of the gate and negative charge accumulates as electrons in the
substrate under the gate. This actually happens gradually as the gate voltage moves

? p-type silicon is obtained by adding acceptor impurities such as boron. a-type silicon is obtained by adding
donor impurities such as phosphorus or arsenic.
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Figure 2.5
[dealized NMOS davice cross section with positive voltage applied showing depletion regions and
the induced channel.

from 0 V to the threshold voltage. Initially, the negative charge in the p-type body is
manifested by creation of a depletion region”® in which mobile holes are pushed
down under the gate, leaving behind negatively charged immobile acceptor ions.

As the gate voltage continues to increase, the depletion-layer thickness increases
and eventually an initial layer of mobile electrons appears at the surface of the sili-
con in the so-called weak inversion condition. Further increases in the gate voltage
increases the concentration of the mobile carriers in the channel until the con-
centration of electrons at the surface equals the concentration of holes in the sub-
strate, a condition known as strong inversion.* For gate voltages above this point, the
depletion-layer thickness remains approximately constant while the additional
charge on the gate is matched by additional mobile carriers in the channel region
that are drawn from the source and drain regions—where an abundant supply of
such carriers exists.

The value of gate voltage Vi required to produce strong inversion is called the
threshold voltage, V.. We will present the main components of this voltage and then
go back and describe the origin of each component. There are three main terms:

1. Avoltage term, ¢, represents the difference in work functions between the
gate (G} material and the silicon substrate on the channel (C) side. The work
function for a material is the amount of energy needed to move an electron |

*'This is the same type of depletion region that appears in a pn junction.
1 This is a somewhat arbitrary but important definition of strong inversion. The surface is inverted relative to
the substrate since the carrier concentrations are equal and oppuosite.
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from the Fermi level to free space level E;, as shown in Figure 2.6. When two
materials with different Fermi levels are brought together into one system,
the Fermi levels are aligned at equilibrium. The work function difference
tells us how “misaligned” they are to begin with. When equilibrinm is
reached, the conduction and valence bands will bend to accommodate the
work function difference. For silicon-gate devices

¢GC = (I)G (polpsilicon gate) (I)C {substrate)

2. There is always an undesired positive charge Q,, present in the oxide and at
the interface between the oxide and the bulk silicon. This charge is due to
impurities and/or imperfections such as sodium ions in the oxide, Qy,- and
dangling bonds at the interface, Q. We combine these two terms into one
term called Q,, and place the equivalent charge at the oxide-silicon interface
as in Figure 2.6. Since there is positive charge effectively on the bottom plate
of the MOS capacitor, the top plate must provide negative charge to com-
pensate for it. Therefore, it contributes a negative quantity to the threshold
voltage of —Q,/C,,.

b

A gate voltage (—2¢; — Qu/C,,) is needed to change the surface potential to
the strong inversion condition and to offset the induced depletion-layer
charge Q. This is shown in Figure 2.7.

Now that the terms are defined, we explain the inversion process in detail. Consider
what happens when the MOS system is first Brought together. At equilibrium, there
is a certain amount of band-bending that occurs to make the Fermi levels constant
throughout the entire system, We need to know exactly how much band-bending has
taken place in order to provide a meaningful reference point for the strong inversion
condition. Therefore, the bands are first flattened by a flat-hand voltage, V. The
name comes from the fact that application of this voltage at the gate produces flat
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Figure 2.6

Flat-band condition in the MOS system.
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Energy bands in the strong inversion condition.

energy bands in the metal-oxide-semiconductor system, as shown in Figure 2.6. This
figure shows the MOS energy band diagrams depicting the conduction band, Ep,
valence band, Ey, the intrinsic Fermi level, E, and the actual Fermi level in the p-type
semiconductor, E,. The work functions associated with the gate, g®, and the semi-
conductor, gd, are also shown here. The Fermi level in the gate material, Egg;
depends on the doping level in the polysilicon gate material. If the gate is heavily
doped with #¥ material, the position of Egis near E.. However, if it is heavily doped
with p* material, Eg. is near Ey. For an NMOS device, usually an n* doping is used
in the poly gate whereas a p* doping is used for PMOS devices. This polarity of dop-
ing is consistent with the doping of the drain and source regions, so they can be
doped at the same time.

The amount of band “unbending” that is needed to reach this flat-band condi-
tion is given by

Q(?.PC

cﬂ,\'

That is, if we apply the difference between the work functions, and we compensate
for the oxide charges, we will achieve the flat-band condition shown in Figure 2.6.
We now have a known reference point from which to operate.

Next, we need to bend the bands in the channel region by 2|¢/ relative to the
substrate,’ as shown in Figure 2.7. That is, the surface potential ¢g must be made
equal to ¢p. This will achieve the desired strong inversion condition. Then, we need
to compensate for the exposed depletion-layer charge, (2, due to the band-bending
itself. The fact that we bent the bands means that the fixed charge is exposed in the
depletion layer of thickness, X,,.

Vg = tgc — (2.6)

5 We drop the electronic charge g for convenience in Figure 2.7,
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A simple analysis can be applied to find the depletion-layer charge by first
determining the thickness X, of the depletion region between the channel and the
substrate as a function of the electrostatic potential ¢ at the silicon surface. To cre-
ate the shaded depletion region shown in Figure 2.7, mobile holes must be pushed
back into the substrate. The thickness of the depletion layer in the p-type material
is given by

12
. 23s:‘|¢$ . ¢’I‘l
Xy= o, (2.7)

The doping density in the p-type substrate is denoted as N, and & is the permit-
tivity of silicon. The immobile charge per unit area due to acceptor ions that have
been stripped of their mobile holes is given by

Qp = N\ Xy = “\/2qNAEﬂ|qu — gl for |ps— ¢ =0 (2.8)

In order to invert the surface of the p-type semiconductor, the voltage Vi is
nsed to attract mobile electrons to the channel region. As Vi is increased in the
positive direction,® the potential ¢ at the silicon surface increases from its original
(negative) equilibrium value of ¢, through zero, until ¢ = — ;. Under this con-
dition the density of mobile electrons at the surface is equal to the density of mobile
holes in the original substrate or body. The surface potential has changed by ~2¢,
relative to the substrate.

The value of Vi needed to cause this —2¢p, change in surface potential is
defined as the threshold voltage Vy for a MOS transistor. This condition is known as
strong inversion, In essence, the semiconductor surface that is normally p-type
becomes n-type. Further increases in gate voltage produce only slight changes in ¢
and the depletion-layer thickness. However, it increases the electric field across the
gate oxide and increases the electron concentration in the channel. The additional
electrons are drawn into the inversion layer from the strongly n-type source for
drain, with the positive surface potential as the attractive force.

B R R O R e L T G e A A s O e
Band-bending at Strong Inversion
Problem:

A 130 nm technology employs carrier concentrations in the p-well in the range of
3 X107 cm™3, Estimate the degree of band-bending required for strong inversion
at room temperature, relative to the flat-band condition.

¢ The positive direction for the gate voltage is actually pointing dowrnward in the energy band diagram of Fig-
ure 2.7, It bends the bands downwards, The flat-band voltage is negative since it will “unbend” the bands from
its equilibrium condition.

Example 2.1
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Solution’:

Iy 145 % 10"
by s
p

R A

= 2(0.026)lln

As long as there is only a small voltage difference between drain and source, the
induced layer of electrons extends continuously from source to drain, producing a
continuous region with mobile electrons. The conductivity of the channel thus
formed can be increased or decreased (modulated) by increasing or decreasing the
gate voltage. In the presence of an inversion layer, and with no body bias (Vg = 0),
the depletion region contains a fixed negative charge that may be found by using
(2.8) together with the fact that ¢ = .

Qu = “\/ZqNAaﬂ- | —2¢ 4 (2.9a)

If there is a voltage Vg between source and body (Ve is normally positive for
n-channel and negative for p-channel devices), a slight modification is required.
The surface potential required to produce inversion becomes |—2¢ + Vgl and the
charge stored in the depletion region in this case is

Qu= —V2gN,g, | =20 + Vgl (2.9b)
_____ Y R e T T TR s s
Example 2.2 Depletion Layer Fixed Charge Calculation
Problem:

A p-type well in a 130 nm technology has N, = 3 X 10" ¢m ™, Find the limiting
value of depletion-layer width and the total charge contained in the depleted
region.

Solution:

From Example 2.1, we already know that

2kT

2l = i

In—| = 088V
p

= w’s "" ‘;’FI
From Equation {2.7),

_ \/2{11.7)8.85 X 10°1(0.88)
o 1.6(107"%) x 3(10")

= 6 X 107%cm = 60 nm

7 Note that ¢y, is negative for #-channel devices and ¢y, is positive for p-channel devices. This can be con-
fusing so we usually take the absolute value of this quantity,
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From Equation (2.9a),
Qs = ~(2 X 1.6 X 1071 X (3)107 X 1.0 X 10" X |~0.88])"

m =3 X 1077 Clem?

V= Vg~ 25 — ~—§B (2.10)
ox
Expanding Vy and rearranging, we obtain
QB an
Ve= o= 2bp - o — =2
= Poc— 25 ¢~ ¢,
QB{J Qox QB " QB(J
=y pp— o o e 211
o™ 2 c. T, C. {2.11)

= Voo + Y (V5 260 - VT2 ])

where Equation (2.9a) has been used to simplify the expression and Vi, is the
threshold voltage with Vi = 0 called the zero-bias threshold voltage. The parameter
v {(gamma) is termed the body-effect coefficient or body factor. Comparing Equation
(2.9) to Equation (2.11), we see that y is given by

1
- Vi, @12

Computation of C,, and y Example 2.3
Problem:

Determine values of C,, and v, if t,, = 22 Aand N, = 3 X 1017 cm™3,

Solution:

To compute C,, we use Fquation (2.5):

Eoe = 48,
& 4)(8.85 X 107"
S Gy == Sl )mmx 1075 Ffem?
tox 22A

Apply this value to the equation for y:

SR ——

¥ = qusffNA/CDX

y = V(2)(16 X 107%)(11.7)(8:85 X 107)(3 x 107)/16 X 107
= 0.2 V12
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Table 2.1
Signs in threshold voltage equation

. Parameter

Substrate
Y
o
nt polysilicon gate -
pt polysilicon gate +

[6)] £ —

Q0 Q- o -

- Qu
Xd*COX
VSB

RS AR

ok
o

It is easy to become confused about the signs of the various terms in the threshold
voltage equations (if not the terms themselves!). Equations (2.10-2.12) give correct
results for NMOS and PMOS if the signs shown in Table 2.1 are used.

e B e R R e e e R R
Example 2.4 Thresheld Voltage Calculation
Problem:

Calculate the zero-bias threshold voltage (i.e., Vi = 0) for an NMOS silicon-gate
transistor that has well doping N, = 3 X107 ¢m ™3, gate doping N, = 10% cm™5,
gate-oxide thickness ty = 22 A, and 2 % 107 cm~2 singly charged positive ions per
unit area at the oxide-silicon interface. Assurne that the gate doping is n* and
explain why it is apprapriate.

Solution:
QEO Qx
Vru“%c"z‘ﬁw“”&::“”é;
KT m 14 % 10"
e oot 222 () bbbttty ek .44 V
Den p !nNA 0.026 In ST 0

boc = by = Pojgag = — 044 ~ 055 = —0.99 V
8ox = A8g = 3.5 X 1073 Ffem

Cox = 1.6 X 107 F/cm?

Qgp = 3 X 1077 Cfem?

Qu _ 3%107

S = 0188V
C 16X 1076
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Qo 2% 10" x 1.6 x107"”
—h e = 0,002V
C,y 1.6 X 107¢

Vip = —0.99 — (—0.88)— (—0.188)~ 0.002 = +0.08 V

In the above solution, we assumed that the n* gate doping is so high that the Fermi
level in the gate is coincident with the conduction band, which implies an electro-
static potential of Pgsae = 0.55. If the gate doping were p”*, the value for Vo,
would be 1.18 V which is well above the desired levels. Therefore, the doping of the
poly gate must be n* to keep it below the target value. For the same reason, the
pely gate for p-channel devices is doped with p* material. Of course, the value
computed above is not very satisfactory for an NMOS device. We require a value
closer to Vi, = 0.4 V.

The small positive value of threshold voltage calculated above is not desirable for
use in digital circuits, Although in principal the threshold voltage may be set to any
value by proper choice of doping concentrations and oxide capacitance, considera-
tions such as breakdown voltage and junction capacitance frequently dictate the
desirable specifications for these variables. Therefore, the final value of Vi is deter-
mined during cirenit fabrication by ion implanting dopant atoms into the channel
region.

A p-type threshold implant, using boron for example, will make the threshold
voltage more positive. On the other hand, an r-type threshold implant, using phos-
phorus for example, makes the threshold voltage more negative. NMOS threshold
voltages are adjusted using a p-type implant until the desired positive value is
reached. The PMOS thresholds are all adjusted with n-type implants until they are
at the desired negative value.

Extra p-type impurities are implanted to make Vipy = +0.4 V for n-channel
enhancement devices in our generic 130nm process. By implanting n-type
impurities in the channel region of a p-channel device, we try to achieve a Viyp =
~0.4 V. If Q, is the charge density per unit area in the channel region due to the
implant, then the threshold voltage, Vi, given by (2.10) and (2.11) is shifted by
Q,/C,,. 1t is assumed that all implanted ions are electrically active.

RS s R R S O T s
Threshold Voitage Implant Dosage Calculation
Problem:

Continuing on with the previous example, since the NMOS thrashold voltage is not
close to the desired value, calculate the ion-implant doses N, needed 1o achieve a
threshold voltage of 0.4 V in unit of jons/cm?,

Example 2.5
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Solution:
We know that V; will be shifted by Q,/C,, = N,/ C,,.

Q  CuAV  Cy(0.4 = (+0.08)) , fons

= 32 %X 10

q q 16 X 107" cm?

The above calculations of threshold voltage do not give exact quantitative
results in practical cases. Reasons for this include the fact that body doping may
vary near the oxide interface, the oxide thickness and dielectric constant may vary
due to process variations, and oxide charge is not exactly controlled, Considerations
such as hot-electron effects, junction breakdown voltages, junction capacitances,
and punchthrough dictate the desirable specifications of the doping levels in the
channel region. For our purposes, calculations of threshold voltage are useful for
predicting how Vi, varies as a function of doping levels and dimensions, Further-
more, the values given above are for illustrative purposes only. As a practical matter
for circuit design, nominal values and statistical variations of the threshold voltage
and body-effect coefficient must be determined by direct measurements of actual
devices.

2.4 First-Order Current-Voitage Characteristics

The next step is to derive the large-signal characteristics of long-channel MOS tran-
sistors for dc or slowly changing applied signals. We assume an NMOS device with
source grounded and bias voltages Vg, Vg, and Vpgapplied as shown in Figure 2.8.
If V5 is greater than Vi, a conducting channel is present and Vg causes a drift cur-
rent I to flow from drain to source. The voltage V)5 causes a larger reverse bias
from drain to body than that present from source to body, and thus a wider deple-
tion layer exists at the drain. However, for simplicity we assume that the voltage
drop along the channel is small so that the threshold voltage and depletion-layer
width are approximately constant along the channel.

At a distance y along the channel, the voltage with respect to the source is V(y),
where 0 = V(y) = V), and the gate-to-channel voltage at that point is Ve — V(y).
In order to have any inversion-layer charge, the gate-to~-channel voltage must be
higher than Vi The amount of charge induced by a given voltage is Q = CV. We
assume that this voltage Vs — V() exceeds the threshold voltage Vi, and thus the
induced charge per unit area at the point y in the channel is the charge density:

Q.(y) = Cp [Vis — VIy) — Vi (2.13)

In basic terms, current is simply charge in motion. Since Equation (2.13) deter-
mines how much charge exists in the channel, the drain-source current Iy is given
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Figure 2.8
NMOS device with bias voltages applied.

by the charge density times the carrier velocity, v, times the channel width, W, per-
pendicular to the plane of Figure 2.8.

Is=Q, X vX W (2.14)

The carrier velocity in cm/s is determinéd by the horizontal electric field, E,
which is in units of V/em and is directed from drain to source. For the first-order

model, we assume that the velocity is linearly proportional to the magnitude of the
E field:

dv
v= uE whereE = WE)(”-X-)- (2.15)

and g is the carrier mobility which is the ratio of carrier (electron or hole) velocity
to electric field. Its dimensional units are cm/s over V/cm, or cm?®/V-s.

To continue with the analysis of MOS transistor conduction, we substitute
Equation (2.15) into (2.14):

Ins = Cou [(Ves = V(¥)) = Vr] X pEX W
Further substitution and minor rearrangement produces:

IDS d}’ b W#‘rzcox (VGS - V()’) - VT) av
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For simplicity, a process transconductance parameter k' is defined as:

HSU
K = G, = (2.16)
' fox
We assume that V. does not vary significantly along the length of the channel. Inte-
grating the left side along the channel from y = 0 to L and the right side from V =
0 to Vp,; and substituting:

VUE

L
ID‘{;J’ dy i l'Vk.'J (VGS - V""' VT) dV
1] i
(2.172)

W v
Ips = k“’f [(Vcs — Vi) Vs = ““fﬁ]

The device transconductance parameter is defined as k = K'(W/L). Substituting this
in the above yields

k
Ips = “2” [2(Vgs =~ Vi) Vi V%JS] (2.17b)

for the so-called linear region of operation., This equation is an important one since
it describes the current-voltage (I- V) characteristics of the long channel MOS tran-
sistor, assuming a continuous channel is present from source to drain.

As the value of V) is increased, the induced conducting channel charge Q,
decreases near the drain. Equation (2.13) indicates that Q, at the drain end
approaches zero as Vi, approaches Vs — Vi When V) equals or exceeds Vg —
Vo, the channel is said to be pinched off. Increases in Vg above this critical voltage
produce little change in I, and Equation (2.17a) no longer applies. In fact, if Equa-
tion (2.17b) is plotted as Ip, versus Vg with different values of Vi, the curves
would reach a peak and then “roll over” as V), is increased since it is a quadratic
equation, This characteristic, shown in Figure 2.9a, is nonphysical and inaccurate.
It is due to Equation (2.13) reversing its polarity when V{y) is greater than Vg —
V. This produces positive charge in the channel after the pinch-off point, as shown
in Figure 2.9b, something that is quite impossible!

Since the current equation is only valid up to the pinch-off point, we will call
this the saturation voltage:

Vfl-'m = VGS - V’F (218)

Beyond this value, Ipg is obtained by substituting Vo = Vee — Vi in Equation
(2.17b), giving

k
Ipg = Py (Vs — Vp)? (2.19)
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Figure 2.9
Nonphysical region of the drain current equation beyond pinch-off.

for the MOS transistor operating in this so-called saturation region.® The word satura-
tion is used because I reaches a limit, or saturates, at the level given by Equation
(2.19). Figure 2,10 shows the currents in the linear and saturation regions of operation.

The drain current of an MOS transistor in the saturation region in fact is
dependent on Vg, because the depletion layer at the drain widens as Vg increases,
shortening the electrically effective value of L. Also, there is significant electrostatic
coupling between the drain and the mobile charge in the channel, such that increas-
ing the drain voltage increases Q, above the value given by Equation (2.13). Each of
these effects acts to increase the drain current as drain voltage increases. An empir-
ical approximation to the actual drain current can be used to model this increase as

k
Iog = > (Vs = Vi)' (1 + AVps) (220)

where the channel-length modulation parameter A {lambda) represents the influ-
ence of Vg on I in saturation. To svoid discontinuities in the Ing ~ Vjg charac-
teristic, the 1 + AV, term may be included for both saturated and linear regions
with negligible error. Usually the value of A has little effect on the operating char-
acteristics of digital MOS circuits.

*The consequences of the earlier assumption of Vi constant along the channel may now be understoed. In
fact, Virincreases with V(y) due ta body effect, The result is that saturated drain eurrent I, is 10 to 40% smaller
than the value given by Equation (2.19b). However, good accuracy is obtained in circuit design if the value
used for &' is determined from data taken with the transistor operating in saturation,
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Figure 2.10
NMOS device I, Vs characteristics,

We summarize the results thus far using the I versus Vi, plot for an NMOS
transistor shown in PFigure 2.10. Below pinch-off the device behaves as a nonlinear
voltage-controlled resistor. This is termed the linear, resistance, triode, or nonsatura-
tion region of operation, This book will refer to it as the linear region. Above pinch-
off, the device approximates a voltage-controlled current source. The channel-length
modulation parameter in the figure is much larger than usual, leading 1o a steeper
slope for I, = Vg in saturation than is usually observed. The slopes of all the curves
in saturation converge at 1/ along the Vg axis.?

There is also a noticeable quadratic relationship between the current Ips and
V¢ in the saturation region. This makes sense since there is a (Vg — Vi) term in
the current expression in saturation, so the current must increase quadratically with
Vs This is an important characteristic associated with long-channel devices in sat-
uration.

The separation between linear and saturation regions is also plotted in Figure
2.10. Tt is defined as the point where Vpg is equal to V5o — Vi for all the curves,
Throughout the study of the material in this book, it will be important to quickly
ascertain the region of operation of a device. As a rule of thumb, if Vjy is large rel-
ative to Vi, then it is probably in saturation. If Vi is large relative to Vy,gthen itis
probably in the linear region. If the two are equal, then the device is definitely in sat-
uration. This intuitive approach to determining the region of operation is useful as
an initial guess, but it must be validated using Equation (2.18).

A similar set of plots can be generated for the PMOS device. As noted before,
for PMOS devices, all polarities of voltages and current are reversed. When check-

? In bipolar transistors, this is referred to as the Easly voliage.
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ing for the region of operation, it is important to use the proper magnitudes of the
voltages. Otherwise, incorrect results will be obtained.

MOS digital circuits are usually designed with MOS trangistors as the only cir-
cuit elements. The values of Viyare usually given for the NMOS and PMOS devices
but can be adjusted with body-bias, V. All of the other parameters are process-
dependent. As a consequence, the transistor width Wand length L ave typically the
only design parameters available. Since L is usually selected as the minimum value
possible, the only practical degree of freedom is the selection of W, Therefore, it is
useful to relate most of the equations for the MOS transistor in terms of W. As we
proceed through this chapter and subsequent chapters, useful coefficients will be
computed relative to the W of the device.

2.5 Derivation of Velocity-Saturated Current Equations

The quadratic model derived above is valid for long-channel devices (typically >
1 pm) and has served the IC industry well for many years, especially for hand cal-
culations. However, it is not as suitable for today’s deep submicron (DSM) tech-
nologies. The primary reason is that, in modern devices, the transistor channel
lengths have been scaled to the point where the vertical and horizontal electric fields
are large and they interact with one another. Furthermore, the assumption that sat-
uration occurs at the pinch-off point is no longer correct. Saturation in DSM
devices occurs when the carriers reach velocity saturation—that is, when they reach
the speed limit of the carriers in silicon.

The effect on the current-voltage characteristics is illustrated in Figure 2.11 for
a 0.18 um device, for which Vs and Vi are swept from 0 to 1.8 V. Notice that the
relationship between I,; and Vi, is more linear than quadratic. This can be seen by
visual inspection of the plot of I;,; versus Vi, or directly in the plot of I, versus
Vs This behavior is not predicted by the equations that we have derived thus far,
As a result, a more suitable model is necessary for hand calculations.

Another observation is that the saturation voltage'is smaller than what is pre-
dicted by the first-order model. The plot of I, versus Vi indicates that the thresh-
old voltage is around 0.5 V (x-intercept of plot), For the uppermost curve of I, ver-
sus Vpg, with Voo = 1.8V, the saturation condition of Equation (2.18) requires that
Vps= Vg — Vp= 1.8V ~ 0,5V = 1.3 V. However, the curve saturates well before
1.3 V. It is closer to 0.6 V by inspection. This early saturation is true for all three
curves in this plot and is due to velocity saturation. We now revisit the current der-
ivations taking into account the high fields and velocity saturation.

2.5.1 Effect of High Fields

Consider the following trends in the horizontal and vertical fields. The horizontal
field occues in the p-direction which is in the direction of the channel pointing
from drain to source. The vertical field occurs in the x-direction from the gate to
the channel. The horizontal field is given by B, = V},¢/L. Shown in the following
are estimates of the horizontal field for three different years. We can see that the
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Ipg versus Vg for NMOS
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Figure 2,11
Current-voltage characteristics of a 0.18 um process,

horizonta) field has increased over the years by an order of magnitude and has
remained approximately at 10° V/em since 1995. The horizontal field acts to push
the carriers to their velocity limit and this causes early saturation, which in turn
degrades the mobility. The carrier velocity and the electric field no longer have a lin-
cayr relationship as was assumed in the Jong-channel case.

3.3V 1.2V

5V
E, = wiome = 104 E, =
Y 5um fem ¥ 035um

= 9.4 X 10*V/em E, = m = 12 X 10°V/em
A
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The vertical field can be approximated as E, = V;,p/t,.. Shown in the following
ar¢ estimates of the vertical field for three different years. We can see that the verti-
cal field has also increased by an order of magnitude and has remained approxi-
mately at 5 X 108 V/cm.

3.3V ,
= 50 X 10°V/cm E = 250 = 44 X 10°V/em o= s x 10°V/em

5V
E = -
1000 A 75 A 22 A

For high gate voltages, a large number of mobile carriers are induced in the
inversion layer near the interface. The mobility of these carriers decreases due pri-
marily to electron scattering caused by dangling bonds at the Si-SiO, interface. The
effect of the vertical field on mobility can be modeled to first-order as follows:

o= Bl (221)
1+(VGSMVT)
' -1,

Here, u, is the nominal mobility in the presence of low fields, typically 540 cm?¥
V-sec for NMOS devices, and @ and n are empirical values. The equation uses a term
based on the vertical electric field, (Vg Vi, to reduce the nominal mobility
value, As an example of mobility degradation, let 8 = 3.6 X 106 V/cm and 5 = 1.85
in a 0.13 pm technology. Then, with £, = 22 A and Ve~ V=12V = 04V =
0.8 V, we find that the mobility, ., = 270 cm?/ V-sec, is reduced by a factor of 2 rel-
ative to 4. This effective value of mobility can be used to account for the high ver-
tical field. The effective mobility for PMOS devices is 70 cm? V-sec which is about
four times smaller than NMOS devices.

The horizontal field acts to reduce the mobility even further. We assumed that
as E, goes up, the carriers continue to increase in speed. Actually their velocity sat-
urates (or reaches a velocity limit) at approximately v, = 107 ¢m/s. Consider Fig-
ure 2.12, which shows the relationship between the carrier velocity and horizontal
electric field. Initially, as we increase the E, field, the carrier velocity also increases.
The linear proportionality constant between the velocity and the electric field is, of
course, the mobility. Note that as the field increases beyond a certain critical elec-
trical field, E,, the carrier velocity saturates at its limit in silicon. The fields are so
high in DSM devices that they tend to saturate very quickly as V,,; increases. This is
the basic difference between long- and short-channel devices.

Figure 2.13 shows the experimental results for drift velocities, of holes and elec-
trons in silicon. The saturation velocity for both electrons and holes is 8 X 10%
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Figure 2.13
Plot of carrier drift velocity versus electric field at 400°K. (From Sze)

cm/sec at T = 400° K, and is independent of the doping level. This value is ysed in
most of the analysis that follows, From the curves, we estimate the critical field val-
ues to be

V
E, = 6 % 10" — for electrons
cm

i (2.22)
E, = 24 X 10" — for holes
cm
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As the temperature decreases, the saturation velocity increases. For T = 300° K,
v, = 107 cm/s,

The next step is to somehow incorporate the effects of the high fields on mobil-
ity into a set of equations suitable for hand calculation. We first include the effect of
the vertical field by using Equation (2.21). To account for the horizontal field, we
can express the velocity as a piecewise continuous function of the horizontal elec-
tric field, Ey, as follows:

E}'
ve g, B <E (2.23a)
(%)
E,
VEva  BEE (2.23b)

That is, the relationship between the carrier velocity and the field is divided into two
segments with a boundary defined by E,, the critical field. Before the critical field is
reached, the value of v is given by Equation (2.23a). Beyond E,_, the velocity satu-
rates at v, This captures the basic behavior of the curve but we should remember
that it is only a model of the true behavior.! In order to ensure continuity at the
boundary, where E, = E,, we can plug in this condition (2.23a} and set v = v,,,.

v = E)’ - McEc
E, (2.24)
Moo

This sets up the relationship between E, and v,,,. Note that this relationship is the
result of the modeling approach described above as opposed to a fundamental rela-
tionship between the critical field and the saturated velocity, It holds true only in
the context of Equation (2.23).

2.5.2 Current Equations for Velocity-Saturated Devices

To derive more suitable MOS current equations, we use Equation (2.14) and set v
based on the region of operation using the conditions specified in Equations (2.23a)
and (2.23b).

0 This mede} slightly underestimates the velocity below the critical field and slightly overestimates the veloe-
ity above the eritical field. But the model leads to simple current equations that are accurate enough for hand
caleulations.
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In the linear region of operation,
IDS = WX Qu X

ek
E
s
E,

= W X CplVgs = Vo — V(¥))

Reorganizing the equation and applying the relationship between field and poten-
tial, we obtain

w
Ips = N Cox(VGS = V= V(y))l"'eEy
1+ =
E,
av
where E, = wm(&
dy

Plugging in and re-arranging produces

Ins
lody = Wi CulVes = Vo = VO) = 525 |av0)
Afier integration, we obtain

W Gy VDS

IDS = — VGS VT VDS (2.25)

L ( Vm)
EL

'This expression for the linear region is very similar to the previously derived equa-
tion except for the extra multiplier in the denominator. This is very convenient since
we are only reqmred to remember one additional term to obtain a more accurate
current expression.

The next step is to determine the expression for the saturation region of oper-
ation. Saturation occurs when the carriers are moving at v,

ps = W X Qrf A Yot (2.26)

Since the current is the same throughout the channel we can set V(y) = Vpz and
write

Ipg = WX Coy (Vs = Vo= Vis)Vge (2.27)

We can further simplify it by equating the expressions of Ingin linear (2.25) and sat-
uration (2.27) regions to obtain Vp,,:
(Vgs — Vi) E.L

V. e
P (Vs = Vi) +EL

(2.28)
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The difference between this expression and the first-order expression for Vp,, is the
extra multiplier (recall that V), = Vgo— Vi in the first-order model). The new fac-
tor ELA Vs — Vi - EL) < 1, so the value of the V., will always be lower than the
first-order model. This is the effect of velocity saturation—devices saturate faster
and deliver less current than the quadratic model would predict,

If we now substitute this new V), into our saturation current equation of
(2.27) we abtain

(Vo - VT)2
(Vos = Vi) + EL
Again, this equation is similar to the first-order current equation and will be easy to
remember. It is different from Equation (2.19) but has a familiar quadratic form in
the numerator,

Consider the limiting cases for this equation. What happens if E.L >> Ve = Vi
(i.e., a long-channel device)? The equation reduces to our quadratic expression:

IDS = Wv.fcrrcox

(2.29)

W
IDS = E lu‘ecox (VGS - VT)2

Now consider what happens if E.L << Vgg — Vy, that is, if we have a very short
channel. We obtain an equation where the current is linear in Vg — Vi, as we
would expect for very short-channel devices:

[DS = vazcox(vcs - VT)

R T R o T e R S Y mmeeges

NMOS and PMOS Saturation Voltages for 0.18 um Technology

Problem:

Consider a 0,18 um technolegy, Compute the values of V., for the NMOS and
PMOS device assuming Ve = 18V, V= 0.5V, V;p = —0.5 V. Assume the channe
length is 200 nm for convenience,

Solution:

Using (2.22), we find that £,L, = 6 X10° (0.2 wm) = 1.2V and £, L, = 24 X 10¢
{0.2 pm) = 4.8V, Using (2.28),

(1.8 — 0.5)(1.2)

NMOS: Vigar = G505 +12) = 0.6 V
. (1.8 - 05)(48)
PMOS: Vi = (505 +43) a 10V

The value computed for the NMOS device is consistent with the plot shown in Fig-
ure 211,

T T S S e

The results of Example 2.6 are important in device sizing. The fact that the
PMOS device saturates at a higher voltage implies that it will be able to supply a

e

Example 2.6
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Effact of mobility and velacity saturation on device sizes.

higher than expected amount of current. To illustrate this, we plot the current for
both NMOS and PMOS devices with the minimum (W/L) ratio in Figure 2.14.
These two cases are labeled as 1X devices. In addition, we plot a 2X. PMOS device
and a 3X PMOS device. The 1X NMOS device and the 3X PMOS device deliver the
same current in saturation even though mobility difference between the two 1X
devices is 4:1. The device ratio is only 3:1 since the PMOS device saturates at a
higher voltage.

To compare with hand analysis, consider the current ratio of the two 1X devices
using Equation (2.29):

Ipseen _ Wy Vg Cox (Vs = Vi) (Vigs =~ Vg + Eenln)
Dar Wp Ve Cox (Vos — Vi) (Vs = Vip + EcpLyp)

Plugging in our nominal values, we obtain

I.Dsrth -

2.4

IDsmP
Therefore, the required device ratio to deliver the same current in saturation is
about 2.4X rather than 4X due to the difference in Vp,,,. Hand analysis underesti-
mates the current ratio in saturation.

Example 2.7 NMOS and PMOS Currents in Saturation for 0.12 um Technology
Problem:

Compute the saturation currents per micron of width for a 0.13 um technology.
Assume a channel length of 100 nm, t, = 22 A, Vp, = 04V, Vip = =04V, Vp, = 1.2
V.Use v, = 8 X 108 cm/s.
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Solution:

Using (2.22), we find that £ L, = 6 X 10 V/cm (0.1 um) = 0.6 V and £,,L, = 24 X
109V em (0.1 pm) = 2.4 V.,

Then, for the n-channel device:

(Ves — V)2
Ips = Wu, €
o Vo T (Vs = Vo) + £l
os ” (Vos = Vi)
YW T (Ve — V) + EL
(1.2 —~ 0.4)?
= (8 X 10%){1.6 X 107%) = 585 A
( N So2 oA v 06 - 85 #A/EM
For the p-channel device,
s _ Y (Vs — Vi)?
’ W sat=ox (VGS - VT) + ECL
1.2 = 04)? '
= (8 X 10°)(1.6 X 107%) ( ) = 256 pA/pm

(1.2 ~ 04) + 2.4

To summarize the equations for deep submicron devices, we should first decide
whether a device is in the linear region or saturation using the following inequalities:

(VGS ,... VT) ECL

if Ve = = saturation

(VGS - V’I‘) + Ee:L

(Vs — Vi) E.L
(VGS - VT) + EL

if Vg < = linear

If we are in the saturation region, we should use the equation
(Vs = VT)2
(Vos — Vi) + E.L

Ing = W, C,, saturation

Note that there is still a channel length modulation effect, which we can capture as
we did before. This involves the use of a parameter, A, as follows:

(Vs =~ Vip)?
(Vgs — Vo) + E[L

Ips = Wu,, Gy (1 + AVyg) saturation

The use of this equation is perhaps too cumbersome for hand calculations. There-
fore, we will drop the Jast term and ensure that the Ip,; is computed using the aver-
age value in saturation. For convenience, we set A=0,
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If we are in the linear region, we should use the equation

W Cox V,
IDS = 'i“ . ‘“""“&f s (VGS - VT"‘ “'"”2“9“"9’“) VDS 1iﬂ€‘}3-r

Example 2.8 Current Ratio for 0.13 um Process

Problem:

Consider a 0.13 um technology where the channel length is 100 nm. Using (2.22),
ey = 0.6V and E,l, = 24V, and assuming that Vs = 1.2V and Vi = 04V, Vo, =
—0.4V, compute V,,,, and the current ratio of two 1X devices in saturation,

Solution:

Using (2.28) we find that

L. (12 - 04)(08)
bt = (12 - 04 + 0.6)

NMOS: = (.34 V

(1.2 = 0.4)(2.4)
=06V
(1.2 = 04 + 24)

PMOS: Vg =

The current ratio of the two 1X devices is

lpsamy_ Wi¥sar Cox (Vas = VD[ (Vs ~ Vi + Ecyln)
Ipatr WotsarCox (Vos = Vip)?/ (Vas = Vip + Ecolp)

Plugging in our nominal values, we obtain

IDsmN = 23
!Dsa!P

¥2.6 Alpha-Power Law Model

Another approach for a hand-calculation model is to empirically fit the real data to
the following form of I,; in saturation:

W
Ips = Ky T (Vigs — Vo)© (2.30a)

In this formulation, we can set K;and o based on measured data, Clearly, & should
be set to a value that is closer to 1 than 2. Today, « is approximately 1.25 but it will
continue to approach I as technology scales.
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Ipg versus Ve tor NMOS
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Figure 2.15
Alpha-power law madeling of MOS transistor.

Note that this model does not account for the behavior of the device in the lin-
ear region. Therefore, a simple model must be developed for the alpha-power law
that fits both the linear and saturation regions, without a mismatch at the boundary
between the two regions. An example of such a model for the linear region is to set

W
Ips = K T (Vs — Vi) Vs (2.30b)
Vs €11 be obtained by equating (2.30a) to (2.30b):
K -
Vosu = ““Iz“g (Vs = V)= (231}
A

The current versus voltage plots based on alpha-power law modeling is shown
in Figure 2.15. The transistor characteristics in the saturation region are described
by (2.30a) while the linear region is given by (2.30b). The interface between the two
regions is obtained from (2.31). This model is suitable for hand calculations only
after curve fitting is performed with the data points in the figure. If 2 new technol-
ogy is developed, a new set of parameters must be extracted. The model derived ear-
lier based on velocity saturation is a more general model and will be the primary
model used in the rest of this book,

Parameters for Alpha-Power Law

Problem:

Find K; and @ based on Figure 2,15 for the NMOS device using the saturation
region alpha-power law model. Assume (W/L) = 1 and Vy = 05V,
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Solution:

From the plot of Figure 2.15, we first estimate the saturation value of s at Vs =
1.35V to be 130 wA. Then we estimate the value of fsat Vg = 1.8V at the same value
of Vs to be 220 pA. We can write the current equation for each measurement as

w
Ips = Ks n (Vgs — V)
and take their ratio, as follows:
220 ph  Kg(1.8 = 0.5)°
130 whA  Ks(1.35 — 0.5)°

Solving for «, we obtain roughly 1.25, Applying this value back into the current
equation, we find that K, = 160 pA/V'%. 1t is interesting to note that the exponent
is close to 1.This is expected since the long-channel device has an exponent of 2
and a very short-channel device would have an exponent of 1.

One way to check the results would be to compute the current for the case
when Vg = 0.9 V:

2.7 Subthreshold Conduction

So far, there has been an implicit assumption that the current Iy, in the cutoff region
is zero, In actual fact, there is appreciable transistor current even if Vgg < Vr, espe-
cially for deep submicron transistors. This section explores this previously negligible
component of current that is increasingly important as technology scales. The mag-
nitude of the current is small compared to the current when Vg > Vi However, if
we have millions of such devices all leaking current, the standby power dissipation
will be large. This is becoming a big concern for deep submicron technologies. As we
will see in later chapters, this leakage current will prove to be problematic for
dynamic logic circuits and dynamic memories, as it will discharge capacitances that
store logic values. In technologies prior to 0.18 wm, this current was considered a
second-order effect, but it is now a first-order concern and deserves some attention
in this book.

In the derivation of the threshold voltage expression, the strong inversion condi-
tion was defined (somewhat arbitrarily) as the point at which the surface potential is
2)¢p,| below the level in bulk silicon. However, in practice, surface inversion occurs
well before this point and there are mobile carriers in the channel region capable of
conducting current. The term subthreshold region is preferred to describe the case
where Vg < Vi, rather than cutoff; since there is current flow. As shown in Figure 2.16,
I is a continuous function of Vigand drops off in a logarithmic fashion in the sub-
threshold region as Vi is decreased. Figure 2.16 illustrates all three regions of opera~
tion and the associated current characteristics of the NMOS and PMOS devices.
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Figure 2,16
MOS current versus V..

The mechanism for subthreshold current flow is due to the diffusion of minor-
ity carriers when the gate voltage is several thermal voltages less than V. In the sub-
threshold region, the MOS transistor behaves more like a (lateral) bipolar transistor
(see Appendix B). The substrate is the base region, while the source and drain act as
the emitter and collector, respectively. Therefore, modeling of the current can be car-
ried out using a derivation based on bipolar modeling. In particular, the current
equation in this region takes the form:

7 (Vs = Vi = Vi) — gV
Isub = Ise "k-’r (1 - e o ) (2-32)
where I, represents a current coefficient, Vg, is the sum of a number of voltage

terrns and lies in the range —0.1 to 0.1, and the factor # is a subthreshold swing
parameter, typically ranging from 1 to 2. We can determine the value of » by con-
sidering how much voltage change in Vgproduces an order of magnitude change in
the subthreshold current:

alViga = Vi = Vg -V
BT (l - g KT )

10 Isub -

I.Vllb - (Vg — v’i"— Val)’m Ve
Le HkT 1—e M

Q{Vea = Yo Vit

e kT q{VGSI" VGS.’)
. — - nkt
10 a(Ven — Vo~ varm} ¢
e nkt
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Example 2,70

Taking the natural logarithm of both sides and solving for AVgy = Vi — Vi, we
obtain a metric for the quality of the subthreshold region, called the slope factor:

which is specified in units of mV/decade. The thermal voltage at room temperature
is approximately 26 mV.

In the subthreshold region, it is desirable to have the current drop off signifi-
cantly as we reduce Vg This implies a small # in Equation (2.33). Ideally, n = 1
which leads to a slope factor of 60 mV/decade at room temperature, However, is
usually between 1.5 or 2 making the slope factor about 90-120 mV/decade. The
proper value of n must be determined from device measurements.

Subthreshold Swing Paramater Calculation

Problem:

From the plot of log(ip,) versus Vg in Figure 2.16 with Vs = 1.8V, find n and the
slope factor in the subthreshold region for the PMOS device.

Solution:

By measuring the subthreshold current at 10 nA and 100 nA the values for Ve are

Vs (V)

10 nA 0.140
100 hA 0.212

From these points, n = 1.2 for PMOS. The slope factor is approximately § =
60 mV/decade ¥ 1.2 = 72 mV/decade, which is close to the ideal value.

S o s R S R e A R R S

2.8 Capacitances of the MOS Transistor

The switching speed of MOS digital circuits is limited by the time required to charge
and discharge the capacitances at internal nodes. Within VLSI circuits most of these
capacitances are so small that they are difficult to measure directly. For circuit analy-
sis, these capacitances must be calculated from device dimensions and dielectric
constants. The capacitance values are usually specified in femto-Farads per um of
width (i.e., fF/um). In the description to follow, the subscripts will be lowercase to
imply these units. Total capacitance values use uppercase subscripts.

Figure 2.17 shows the significant capacitances between nodes of an MOS tran-
sistor. There are two basic types of nonlinear or voltage-dependent capacitances in
the structure: thin-oxide capacitances and junction capacitances. The thin-oxide
capacitances comprised of Cy, Co, and Cy, are represented by G he junction
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Figure 2.17
Capacitances of the MOS transistar,

capacitances are shown as C, and C,. In addition, there are two overlap capaci-
tances, ", which are linear *md voltngc independent. Finally, the depletion layer
capacitance under the channel, C, o0 18 associated with Gy, although a small part of
this capacitance 15 associated with the drain and source on either edge. These types
of capacitances are described in more detail in the sections below.

2.8.1 Thin-Oxide Capacitance

The thin-oxide capacitance is perhaps the most important capacitance in the MOS
system, The two plates of the capacitance are defined as the gate and the channel.
The dielectric material is the oxide sandwiched between these two plates. The total
capacitance of the thin-oxide is:

E'ox
Co = WLG,, = WL— = WC, (2.34)
0y
where C,, is the capacitance per unit area of the gate dielectric as defined in
Equation 2.5. It is interesting to examine the factor, C,. In a 5 um technology, the
oxide thickness was approximately 1100 A. Therefme,

oy (4)(8.85 X 1071)
C,=C,l=—L= 5 s 1.6 fF
In a 0.35 um process, with #,,= 754,

Bux ; _ (4)(8.85 x 107)
e 75

Co=Cul= {035 pm) = 1.6 fF/um
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In 2 0.13 wm process, with L = 0.1 wm and t,, = 224,

ox 4}(8.85 x 107"
Co=Cul = j_L - 4 > ) (0.1 um) = 1.6 fF/um

This factor has remained constant for over 25 years! The reason is that both L and
t,. ate scaled at the same rate, and their effects cancel each other out.

The gate capacitance is decomposed into three capacitances: the gate-to-source
capacitance, C,; the gate-to-drain capacitance, Cy,; and, the gate-to-bulk capaci-
tance, Cy, The division of G into its three elements is fairly complex. The compo-
nents vary depending on whether the device is in cutoff, linear, saturation, or accu-
mulation, as shown in Figure 2.18. This a plot of the three capacitances as a function
of V. In the linear region, C,, and Gy, are approximately equal to (1/2)C, since the
channel extends from source to drain. In the saturation region, the channel extends
most of the way from source to drain (recall that the saturation condition is defined
by the carriers reaching velocity saturation), so most of the gate capacitance can be
attributed to the source node, and a negligible amount to the drain node. For this
region, a detailed analysis would show the capacitances to be Cy = (2/3)C, and
ng == (),

When the device is in cutoff, then C, = Cyy= 0. All of the capacitance is attrib-
uted to Cy, the gate-to-bulk capacitance. However, in this regime, there is a deple-
tion region under the gate and we have C, in series with C;, which is the channel
junction capacitance, As a result, the total capacitance is less than C, (since it is in
series with C,) until we reach the accumulation region. At this point, the channel is
positively charged while the gate is negatively charged producing a total capacitance

¢
[
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Cop |
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Vs
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Figure 2.18
Capacitances based on region of operation,
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of G, In normal operation, we are not usually concerned with the accumulation
region of operation, but it is included for completeness. Note that when Vg = 0,
the value of Gy, is about 1/2 C,. It does not reach C, until the gate voltage is equal
to the flat-band voltage.

Thin-Oxide Capacitance Calculation Example 2.11

Problem:

Compute the gate capacitance in the cutoff, linear, and saturation regions for a
PMOS device with t,, = 22 A and device dimensions of W = 400 nm and L =
100 nm. Assume that V; = 0 in the cutoff region.

Solution:

The total capacitance is CW = 1.6 fF/um X 0.4 um = (.64 fF.
In cutoff: Cgg = 0, Cyp = 0, Gy &= 0.64 fF/2 = 0,32 fF

In linear: Cyg = 0,32 fF, Cgp = 032 R Cgp = 0

In saturation: Cgs = 043 fF, Czpy = 0,(g3 = 0

2.8.2 pn Junction Capacitance

The source and drain regions and the substrate form pn junctions that give rise to
two additional capacitances. The capacitances C,, and C,, are n*p source/drain
junction capacitances for NMOS devices and are readily calculated using layout
information. For PMOS devices, the capacitances are due to p* n source/drain junc-
tions. In addition, there is a junction capacitance between the inverted channel and
the substrate, C,,. Since the ps junction is a diode, it is worth revisiting some of the
basic physics for this diode circuit element,
The current-voltage characteristic of a diode is given by

In = Ig{e""Yn = 1) (2.35)

where I is the reverse saturation current of the diode, V} is the voltage drop across
the diode, and V,, is the thermal voltage. In normal operation, the pn junctions are
all reverse-biased in a MOS transistor. When specifying the voltages at the source/
drain and bulk terminals, we must ensure that the bulk is connected to the lowest
voltage for NMOS devices. Similarly, for PMOS devices, the bulk voltage must be
the highest potential in the system. Otherwise, we risk forward-biasing the diode.

Since V; <0, the exponential term in Equation (2.35) is small. In essence, for
our MOS devices,

ID = "‘Is (2-36)

This represents the leakage current of the MOS transistor, which is unwanted cur-
rent flow from source/drain regions into the substrate. The actual value of leakage
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Region of interest

—o-—'-*//‘c””

_VDD 0 @p VJ,

Figure 2,19
Plot of junciion capacitance versus applied voltage,

is relatively small and depends on the area and the doping levels on each side of the
junction,
The built-in junction potential for a diode is another important quantity in pn
junction theory. It is computed using the equation:
kT Ny N,
T L (2.37)
q i
Now we return to the more important discussion of junction capacitance. The
depletion region of the diode has a capacitance effect associated with it since the
modulation of diode voltage V; changes the charge that is exposed or “covered up”
in this space-charge region. This is equivalent to the action of & capacitor. The basic
expression for junction capacitance is given by
Cip A
C = (2.38)

J (1 _ ﬁ)m
&5
where C,, is the zero-bias junction capacitance, A is the area of the junction, ¢ is
the built-in junction potential, and #m is the junction grading coefficient, which is
approximately 1/2 for abrupt junctions (p*n or #n*p).This function is plotted in

Figure 2.19. The built-in junction potential defines the point where C; asymp-
totically approaches infinity.!! We can see that Cy; is an important quantity since it

1 This wonld not occur in practice. The capacitance would reach some level and begin to “roli-over” as V,
increases. In any case, we are mostly interested in the reverse-biased region of eperation where V) < 0.
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represents the value of junction capacitance when the external bias is 0 V. Its value
is computed using the equation

84q _NulNy
2¢y N, + Np
For a one-sided step junction, where one region has a much higher doping level

than the other region, we can simplify the expression. For an »*p junction of the
NMOS device, the equation is

(2.39)

€4qN,
2

Since the junctions in a MOS transistor are normally reverse-biased, the junc-
tion capacitances are usually less than Cy,. This quantity is in units of fF/um?® and
therefore it must be multiplied by the area of the junction to obtain the actual
capacitance. The denominator of Equation (2.38) can be viewed as an adjustment
factor due to the applied voltage. In our case, this is Vg or Vyp, which is either zero
or a negative quantity but never positive (otherwise we would have a forward-
biased source/drain junction). Note that we are operating in the range of V= 0 to
~ Vpp in normal mode for NMOS transistors, as indicated in Figure 2.19.

In order to compute the capacitance associated with the source and drain, we
need to examine the transistor layout. Shown in Figure 2.20 is a very simple layout

Cip = (2.40}

g

Poly gaie

8 n
. DifTusion
w
- :
—
Sicawall

capacitnce

571 STl

Bottom
capacilance

Figure 2.20
Junction capacitances from layout data,
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of a MOS transistor in plan view and, below it, the corresponding cross-sectional
view. In the layout view, there is a shaded polysilicon gate on top of a diffusion
region. The intersection of polysilicon and diffusion forms a transistor. The gate
(G), drain (D), and source (S) terminals are shown, along with the W, L, and Y
dimensions of the transistor. The source/drain junction capacitances we seek are
associated with the diffusion region, and so it is sometimes called the diffusion
capacitance,

There are two types of junction capacitances that need to be computed for the
NMOS device, namely the bottom capacitance and the sidewal] capacitance. In the
case of the bottom capacitance, we need to compute the area of the bottom region
and the zerp-bias value, Cﬂ,, from the parameters for the #* p junction. Looking at
the layout, the area calcnlation for the bottom capacitance is as follows

A, = WY

where W is the device width and Y is the diffusion extension from the poly gate
edge. The junction is art ™ p junction so the numerator of Equation {2.38) would
be equal to G Ay

For the sidewall capacitance, we need to take each edge of the junction and then
multiply by the junction depth, x,, to obtain the sidewall areas. A total of four faces
need to be considered. Three edges are associated with the interface of the n* region
and the shallow trench isolation,!? and a fourth edge is due to an n™p junction for
the sidewall facing the channel,

Since the three edges that abut the shallow trench isolation have a small capac-
itance in modern technologies, the channel-facing sidewall edge is the only one we
need to consider, as shown in Figure 2.20. Therefore, we compute the area for the
channel-facing sidewall as

Asw = Wx)

The numerator of Equation (2.38) would be C,, A, where the zero-bias junction
capacitance for the channel sidewall is C,,. Now, the detailed junction capacitance
equation can be stated

Cjb Ab cjsw Asw

( V] )mj + ( V] )mjsw
| et 1 -
d)Bb d)Bsw

where mjswand ¢y, are the capacitance terms for the channel-facing sidewall, This
equation reflects the model used in circuit simulators, but we need to simplify the
equation for use in hand calculations. First we would like to combine the two
terms together, We will see in the next chapter that the channel-facing edge (ie.,
the second term) has a very complex doping profile. However, if we consider it to

C = (2.41)

2 Shallow-trench isolation will be deseribed in mote detail in Chapter 3.
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be primarily an #*p junction, then we can combine the two terms together. In fact,
only a small error is made with this simplification

Cijb + Cijsw Cjb(Ab + Asw)

¢ = (1 B j{{)m; = (1 B X{)mj (2.42)
by bp

Next, we would like to remove the voltage dependence of the term in the
denominator of Equation (2.42) to produce a large-signal equivalent value. To do
this, we can look back at Figure 2,19 and realize that the only region of interest is
when V; £ 0, since the junctions are normally reverse-biased. If V; = 0, then the
denommator of bquatlon (2.42) is equal to one, If there is a reverse-bias of - VDD,
the denominator is between 1 and 2. One way to handle the voltage dependence is
to define a new parameter, K, which adjusts the zero-blas capacitance, Cy, based
on the expected bias voltage across the junction,

Since the voltage in digital circuits is expected to switch from low-to-high and
vice-versa, we can use this fact to compute K,,. To this end, we define an equivalent
voltage-independent capacitance C,, that requires the same change in charge as the
nonlinear capacitance for a transition between two voltages V| and V, applied to the

junction:
c - QW) = Q(V1) _AQ
“ V2 - V; AV
where
Vi V) Ve
Thus

C e - C‘jbqbs (1 ~ l{fg‘)l—m _ (1 _ ﬁ)l*m
“ (Vo — Vi) (1 — m) Py ¢s

We are now able to define K, the dimensionless constant used to relate C,, to G
for specified values of V| and V.. In the case of an abrupt junction, m = 172, and
therefore

Ce -7 1/2
% mwi=____.(££{.._

= _ vyl RTAY
4T Gy VszI[(CbB Vi) (s — V1)) (243)

Fortunately, this complicated equation is required in only one case. Once com-
puted, the simplified equation for hand calculations is as follows;
K.G(j.(Cﬂ,WY + CjbeW) e Keq(Cﬂ,Y + Cﬂ,xl) W= Kechb(y + xj)W
(2.44)

98



78 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

All the leading terms of the capacitance can be combined to produce a relatively
straightforward equation for hand calculations:

C)‘ = chcjb(Y + xJ)W = C}W (2.45)

Note that if the voltage switches from one level to the other, K, = 0.75. However, if
there is a fixed voltage across the junction then we do not need to use Equation
(2.43) to determine K. In NMOS devices, if a source or drain node is close to Gnd,
then Vep == 0 s0 we can set K., = 1.0.If a node is close to Vjy, we should use the
capacitance value at V= V. For this case, we should set K, = 0.5 since there is
a large voltage drop across the junction. Similar considerations apply for PMOS
devices with similar capacitance values.

One final note on junction capacitance: the channel junction capacitance, Cieo
shown in Figure 2.18 uses the same formulation as given in Equation (2.38). This
term is associated mainly with the gate-to-bulk capacitance. There is a small portion
of it that is charged from the source and drain, but it is negligible and usually ignored.

Example 2,12 Junction Capacitance Calculations

Problem:

(@) Find ¢y and ¢y, for an n*p junction diode with Ny = 10* cm~* and N, =
(310" em,

Solution:
From Equation (2.37),

3(107) (10™)

st 22 () = | o ]
q " (145(107))?

From Equation (2.39)

c =\/ﬁ{§" NaNp t\/sanNA
BTN 2y Ny A+ N 2¢py

m\/ﬂ.?*(8.85)(10"“)*1.6(10"“‘9)(3)(10”) s

R

2(1.0) ~ am?

Problem:

(b) Fora 0.13 pom process, W = 400 nm, L = 100 nm, x; = 50 nm, and the dif-
fusion extension is ¥ = 300 nm. Using the layout of Figure 2.20, find C, in
units of fF forand V, = Qand V, = —1,2V.

Solution;
For V, = 0, the value is obtained by muiltiplying Cy, with (Y-+x)W
C = (Y + x)W = 1.6 fF/pum? % (03 um + 0.05um) X 04um == 0,22 fF
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ForV,= —1.2,
CplY + x)W
M 7rNE
16 fF/pm X (03 pm +0.05 um) X 04 pm
(1 +1.2/1.0)'"

= 0,16 fF

Problem:
{¢) Find K, for V, = —1.2V,V; = 0 and then compute the large-signal effec-
tive C,.
Solution:
From Equation (2.43),

-201)

Ko = 5 =12)

[(1 = 0)"2 = (1 — (=1.2))"] = 08

To compute €, we use

Gy = Ko ClY X)W

= 0.8 X 1L6fF/um? X (0.3um + 0.054m) X 04um = 0,18 fF

2.8.3 Overlap Capacitance

The overlap capacitance, C,, shown on both sides of the gate in Figure 2.17 is due
to lateral diffusion and fringing components. This voltage-independent capacitance
is connected from gate-to-drain and from gate-to-source. In the older technologies,
there was significant diffusion of the heavily doped source and drain regions under
the gate, This gave rise to the overlap capacitance, C,,. However, over the years, the
fringing capacitance, Cp, between the sidewall of the polysilicon and the surface of
the drain and source has increased and must also be taken into account. It is diffi-
cult to separate out the components due to lateral diffusion and fringing so the
combination of the two is referred to as €.

Co = Gy Cf (2.46)

The two components are shown in Figure 2.21. They should always be included
in the capacitance calculation to obtain accurate results. We can try to estimate this
overlap capacitance for hand calculations as follows. The fringing component can
be approximated by the formulation

28 Tty
Cr="E1n { 1+~ (247)
ar fon
where T}, is the thickness of the polysilicon material that sits on the oxide.
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Figure 2,21
Overlap capacitance companents.

The capacitance due to lateral diffusion is computed as
Cov = Cax X I‘D

where L, is a lateral diffusion term illustrated in Pigure 2.21.

Example 2,13 Overlap Capacitance Calculations
Problem:

Compute the overlap capacitance, G, for a 0.13 um technology with T, /.. = 100
and a lateral diffusion of 10 nm. Specify the solution in units of fF/um of width.

Solution:
If we apply the ratio T,,,./%,, 10 {(2.47), then

- 2(4)(885 X 107
= 3.14

v (1 + 100) = 0.1 ¥/ wm

If L= 10 nm, then C,, = L= 0.15 fF/um. Therefore, for convenience we will use

Cy = 0.1 TF/pm + 0.15 fF/um = 0,25 fF/ wm

This value is multiplied by the width of the device to obtain the total overlap
capacitance.
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2.9 Summary
Operating voltages for the NMOS and PMOS devices:

[PMOS Voltages -
Vrpﬂ(JV or lVTp]:'w"OV
sz-cov or [VGS|»OV '

vwao\l R | vm«ov or ’V55|>0V
vgsﬁov or meov VBSaDV

I‘ he NMOS threshold voltage can be computed as fol]ows (w1th appropnate
changes for PMOS device):

Ve Vi +y (\/|2¢FI + Ve — V2¢4)

Qw  Qn  Q
Vig = doe — b — cii""gﬁ"*’méi
¢y = % In 2 {p-type substrate)

1
Y=o VigegN,

ax

For long-channel devices, the current equations are as follows:

If Vs 2 Vs
o K 2
if Vs 2= (Vgs = V) saturation region  Ips = (Vs = Va)* (1 + AVpg)

k
if Vps << (Vs = Vi) linearregion  Ipg = = [2(Vgs — Vi) Vs = Vi ]

If Vg < Vo

subthreshold conduction region  Ipg = 0

For the velocity saturated short-channel devices, use

If Vs < Vo

(Ves — Vi)EL (Vos — Vr)*

if Ve = : saturation region Ine = Wu,,C,.

PP (Vs = Vi) + EL & " Y (Vs = Vi) + EL

(Vos — Vp)EL W Ly ( Vm)

. V < 1 I E e V - V V

if Vs (Voo = V) + EL linear region ps = 7 (1 . Vim ) os i o

kL
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If Vo = ¥y

GV Vo Vg Vg
subthreshold conduction region  Ip; = Le T (1 —e & )

Simple expressions for total MOS capacitances associated with thin oxide:

¢ 0 ij Wi W%C WL
(13 2 ox 3 ox
1
CGD O 'Z‘CNWL 0
Cap CWL 0 0

Equations for junction capacitances:

c} - V] m
(1-3)
by

Cjb (Ab + A:w)

C = K, CyY + )W = GW

where C; = K, Cy(Y -+ x))

Complete table of MOS transistor capacitances (including C, and C,) in ff/um of
width:

Cya Cot Cos MéMCg Cor

, 1/(:9 +1/CK <. Cgb<Cg . R ;

Csb CJSB U VPR A ST Cm N a1c}c CM+ ‘31%(&,[35,113[1) R
Cdb - C‘m P .C:,,.DB . ngqc : .Cm. +'§'2(Ijjc'(¢r55ma|[)' .
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PROBLEMS
P21 Belowis a table of process parameters for a generic 0.13 uin technology.
Table P2.1

O 13 p.m Frocess technology parameters

; 'y p:cal Technology
G Parameters :
Gate thickness
 Poly doping level
' Poly doping level
 Substrate ¢ dop:ng !evel
“ N-weIE doplng Ievei o 1

Number of surface
state charges
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p2.2

P23

P24

P2.5

P2.6
P2.7

Using the data in Table P2.1, find the following threshold voltage values:

(a) Compute Vyp, the unimplanted, zero-bias threshold voltages for
both NMOS and PMQS devices. Assume that there is no charge in
the oxide itself, but there does exist a sheet charge at the Si-SiO,
interface (corputed as gNg).

(b) Normally, NMOS gates are doped with donors (#*) while PMOS
gates are doped with acceptors (p*).

(i) How would Vi, be affected if we doped the PMOS poly gate
with donors rather than acceptors?

(ii) Calculate the new Vi

(€) Wenow want to adjust the threshold voltages of both the NMOS and
PMOS devices so that we achieve the following threshold voltages:
Vigy = 04V and Vip = —0.4 V. Calculate the threshold implant
levels for the two cases in parts (a) and (b}.

(d) Why do modern technologies have an n* poly gate for NMOS and
a p* gate for PMOS devices?

Find the effective mobility, (@), of a PMOS transistor due to the verti-
cal field if t,, = 22 A and |Vgg = V] = 0.8 V. Let @ = 4 % 108 V/em and
7= 1.85in 2013 jam technoiogy Assume that g, = 130 cm?/Vesec.

This problem involves plotting several I-V characteristics of NMOS and
PMOS transistors in a 0.13 uwm technology. The 0.13 pm technology
uses a 1.2 V power supply. The transistors are unit sized where Wes
100 nm, L = 100 nm.

(a) Plot Ingversus Vpgas a function of V= 0,0.4,0.8, 1.2 V for both
NMOS and PMOS devices.

(b) Plot Igversus Vo with Vg = 1.2V for the NMOS device, Does the
quadratic model hold for 0.13 pm devices, or is it closer to linear
with Ve

Find the region of operation for each of the transistors in Figure P24,
Assume Vi, = 0.4 V.,

In the circuits of Figure P2.5, determine the voltage across the capacitor
after the circuit reaches steady state, Assume the capacitor is initially dis-
charged (V, = 0V) and Vy, = 0.4 V.

In the circuits of Figure P2.6, draw Vy versus V, for 0 < V, < 1.2,

m i

Calculate the gate and junction capacitance of the transistor shown in
Figure P2.7 if L= 100 nm, W = 400 nm, ¥ = 300 nm, K= 08, Gy =
1.6 fF/um?, C, = 1.6 X 1078 Flem?, and x;= 65 nm.
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(@) 12V (b) L2V v 06V
Q9
02AVv 12V 12V 12V
Vy Vy
) I l
0.0V L1y L .
() 02V {d) 12V (a) {t)
I Figure P2.5
12V 1V
Q o
0V 0.2V
Figure P2.4
07V

Figure P2.6

Figure P2.7

P2.8 Calculate the NMOS transistor current in each of the cases in Figure
P2.8.
Use the following parameters if needed: Vi = 0.4V, E = 6 V/ium,

L= 100 nom, W= 400 nm, v,,, = 8+10% cm/sec, C,, = 1.6 X 107¢ Flem?,
e, = 270 cm?/V-sec, y = 0.2 (VV2), 2|] = 0.88V
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(a) 12V (b} 12V
o} o
02y I AY
Q Y]
00V [AY
(&) 02V (d) 12V
o o}
12V Y
O Q
0ov 02v
Figure P2.8

P2.9  Compare Iy, versus Ve for the NMOS transistor if Vge = 1.2V, Vo =
0, and 0 < Vo< 1.2V for the following two cases. What is the main dif-
ference between the two curves?

(a) L= 100 nm W= 200 nm
(b) L == 100 nm W = 400 nm
Use the following parameters if needed:

Vip = 04 ¥V, E. = 6 Vium, v, = 8 X 10° ecm/fsec, C.= 1.6 X
1076 Blem?, p, = 270 em?/Vesec, y = 0.2 (VY3), 2| |= 0.88 V

P2.10 Compared to the velocity saturation model, the alpha-power law is a
more empirically based model where the I-V curves are fitted to the
data. The equation for the saturation region current in the alpha-power
law model is as follows:

Ips = K(W/IL) (Vs — Vip)®
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{a) For the plots in Problem P2.3, compute the values for Kand « for
the NMQOS and PMOS devices.

{(b) For the linear region, develop a model where the current is linearly
proportional to Vg until the saturation region is reached. Derive a
formula for Vj,.
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Fabrication, Layout, and Simulation

CHAPTER OUTLINE

3.1 Introduction
32 |C Fabrication Technology
33 Layout Basics
34 Modeling the MOS Transistor for Circuit Simulation
35 SPICE MQOS LEVEL 1 Device Model
*36 BSIM3 Model
*37 Additional Effects in MOS Transistors
*38 Silicon-on-Insulator (SOI) Technology
¥39 SPICE Model Summary

References
Problems

3.1 Introduction

In this chapter we describe the close relationship between fabrication, layout, and
simulation of integrated circuits. We begin by describing the CMOS fabrication
process. The purpose is to give the reader some insight into the steps and issues asso-
ciated with the manufacture of integrated circuits. Over the years, IC fabrication has
become more and more complex. For each technology node, there are multiple
processes available to the designer, depending on the target application of the chip.
For example, there may be different processes for digital, memory, mixed-signal, low
power, and so on. It is not possible to describe all of the pertinent issues in advanced
CMOS processes in one chapter. The objective here is to present a generic process to
provide an overview of the key steps of the fabrication process.

With this knowledge, the issues surrounding IC layout can be described. A lay-
out is the physical description of the transistors and their connections in the IC
design. The layout precisely defines the chip that will ultimately be fabricated. Every
transistor and wire in the circuit must be specified in a geometric format in the lay-
out. To ensure that the chip is properly fabricated, the final layout must conform to
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STATIC MOS GATE CIRCUITS 201

resistance of the transistor. What if we had three different W values in the series
stack? When determining an equivalent W,,, one can use the fact that the W values
would combine as if we had parallel resistance.” For example, if we have three tran-
sistors in series with widths W;, W,, and Wj, we would combine them together to
form an equivalent device with a width

W, W, W.
W, = T ;Vz;fs:' i (series stack, all deviceson)  (5.1)

This value can be used to determine on-resistance of the combined devices. For the
case when all W’s are equal to 3W,, this reduces to W, as expected.

In the case of a NOR gate, if all parallel pull-down devices are on simultane-
ously, the W values would combine as if we had series resistance to produce the
equivalent value, W,

W,=W, + W, + W, (parallel devices, all devices on) (5.2)

Of course, we design the NOR gate assuming that only one pull-down device is on
at a time, since this is the worst case.

et ey

3-Input NAND and NOR Gate Sizing
Problem:

Determine the device sizes for 3-input NAND and NOR gates in conventional
CMOS. Assume that the basic inverter is sized according to Figure 5.2a and that the
goal of the design is to have NAND3 and NOR3 gates with the same delay charac-
teristics as the inverter.

Solution:

Applying the considerations given in the above section, we derive the following
sizes for the NAND3 and NOR3, respectively.

Example 5.1

7 Here we make use of the inverse relationship between R and W. The series stack produces series resistance,
not parallel resistance!
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e —¢
b —q

1 -1
DD

Figure 5.6
Schematic rendition of DeMorgan’s Law.

One alternative is to use DeMorgan’s Laws and a pseudo-NMOS NOR gate to
replace the AND gate. DeMorgan’s Laws, in the most basic form, can be stated as

(a+b)=a-b
(a+b)=a+b (5.3)

Graphically, we can represent the two equations as shown in Figure 5.6.

The application of DeMorgan’s Law for the ANDS is shown in Figure 5.7a. Here
the inputs to the AND gate are all inverted. We will need additional inverters at each
input but they are not shown. The AND gate is converted to an 8-input NOR. The
pseudo-NMOS implementation is shown in Figure 5.7b. This gate dissipates more
power than the static implementation and exhibits a larger tp; . But the area is
greatly reduced relative to the 8-input CMOS NAND because we only have one

pull-up device, the pull-downs are much smaller, and the t,y, is significantly lower.

=D~ =D

{ ﬁ 1L %_ﬁﬁ i 4i L

(b)

Figure 5.7
Using DeMorgan’s Law to convert AND to NOR.
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HEH O
S IHHS S TS

Figure 5.9
An inverter driving four identical fanouts.

specified without knowing the actual load being driven. Typically, gates are designed
to drive a specific number of fanouts to deliver a specific target delay. In fact, dif-
ferent cells are designed to drive a different number of loads. Ultimately, the choice
of the width, W, is based on {Jthis fanout ratio, as will be seen in Chapter 6.

5.2.3 Voltage Transfer Characteristics (VTC) of CMOS Gates

The VTC of CMOS gates are very similar to that of the CMOS inverter. Since there
are multiple inputs, the actual characteristics depend on how the inputs are
switched. For the 2-input NAND gate, shown in Figure 5.10, we first consider the
case when one input is held high while the other is switched from low to high. In
this case, one p-channel device can be removed from consideration (open circuit)
while one n-channel device can be handled as a short-circuit since it behaves like a
small resistor. If input A is held high while input B is switched from low to high, the
gate is equivalent to an inverter with a 2W pull-up device and a 2W pull-down
device. The resulting transfer characteristic would shift to the left of the standard
inverter. If both inputs were switched together, we would have a 4W pull-up device
and a W pull-down device, so the VIC would shift to the right of the standard
inverter. These two curves are shown in Figure 5.10 relative to the standard inverter.

For the 2-input NOR gate, shown again in Figure 5.11, we would obtain simi-
lar results. Assume that input B= 0, while the A input is switched from low to high.
In this case, one n-channel device can be removed from consideration (open cir-
cuit) while one p-channel device can be treated as a short-circuit. This implies that
we have an equivalent inverter with a 4 W pull-up device and a W pull-down device.
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SPICE Example of VTC for NAND Gate in 0.18 um Technology Example 5.2

Problem:

(@) Compute the switching threshold, V¢, of a 2-input NAND gate shown in
Figure 5.10 under two conditions: with one input tied to V,, while the
other input is swept from 0 to V,,;, and a second case where both inputs are
tied together. Assume 0.18 um technology parameters with all transistor
widths set to 400 nm.

(b) Using SPICE, compare the VTC curves of a 2-input NAND for the two cases
above and compare the switching threshold results, Also include the two
inputs, A and B, switching separately. Why are the results slightly different
for each input?

Solution:

(a) When one input is high and the other is varied from 0 to V,,,,, it is equiva-
lent to having a pull-up with W,=400 nm and a pull-down of W, =400
nm (treat the other one as a very small resistor): :

Wy = 400 nm, W, = 400 nm:
y o [PWEaly _ [WEs _ [@OOYA) |
Wo/Ecplp WoEcy (400)(6)
_18-05+ (0.5)20
5 1+ 20

=077V

¥
When both inputs are varied from 0 to Vy,, it is equivalent to having a pull-up with
W, =800 nm and a pull-down of 200 nm:

Wp = 800nm, W, = 200 nm:
WEals _ Wik _ [Q00)24) _
We/Ecol e WeEcy (800)(6) . g

0o 1.8~ 05 + (05)1.0 -
s 1+10 e

(b) To compare the results against SPICE, use the following descriptions:

*NAND Gate with one input B tied to vdd, input A switching
*Set supply and library

.param Supply=1.8 *for 0.18 technology

.1ib ‘bsim3v3.cmospl8.lib’

.opt scale=0.1lu *Set lambda

*Power supply

.global vdd  Gnd

vdad vdd Gnd ‘Supply’ *Supply is set by .lib call
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Vin in Gnd ‘Supply’

*Simulation

.dc Vin 0 ‘Supply’ ‘Supply /50
.plot de V{out)

.end

The following results are produced by SPICE:

1.8
1.6 -
1.4
1.2+

1
0.8

I
0.6 k
i

Vour (V)

0.4
0.2
0 1

As expected, the curve with both inputs tied is to the right of the curve for single
inputs. From SPICE, V= 0.745V for input A switching, V¢ = 0.721V for input B
switching, and V, = 0.883 V for the case where the two inputs are tied together.
These are close to the hand calculated values. The hand calculations tend to pro-
duce slightly higher values due to the approximations made to simplify the expres-
sion for V.. The reason why input A produces a slightly higher value of V; is that the
corresponding transistor experiences body effect during the switching process.

5.3 Complex CMOS Gates

There are many situations where we would like to implement more complicated
functions than just NANDs and NORs. For example, if we wanted to realize the
logic for

F=(A+B)-C (5.4)

we could implement it as a series of multilevel logic gates consisting of ANDs, ORs,
and inverters. However, CMOS lends itself to efficient implementation of such
functions through the use of duality and DeMorgan’s Laws. Implementations of this
variety are referred to as AND-OR-INVERT (AOI) and OR-AND-INVERT (OAI)
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gates. Consider the fact that in a NAND gate, we have parallel PMOS devices and
series NMOS devices. These are duals of each other. Similarly, NOR gates have par-
allel NMOS devices and series PMOS devices. Again, these are duals of each other.

The dual of any logic function can be obtained by exchanging the AND and CR
operations. For example, the following functions are duals:

ab<rat+ b
(a + byeeab+ ¢

We encountered a special case of DeMorgan’s Laws earlier in the chapter. In general,
DeMorgan states that the complement of a function can be obtained by replacing
each variable or element with its complement, and then exchanging the AND and
OR functions. This is one of the most valuable rules in Boolean algebra and it is
extremely useful in constructing the PMOS and NMOS configurations for complex
CMOS gates.

For the function given in Equation (5.4), we could apply DeMorgan as follows:

F=(A+B)-C=(A+B)+C=4-B+C (5.5)

The logic expressions for F in Equations {5.4) and (5.5) tell us how to implement
the CMOS circuit in one logic stage. If we first examine Equation {5.4), it specifies
how the NMOS devices should be configured. Since the NMOS transistors act to
pull the output low, we should complement F to obtain its implementation. The
NMOS functionis F = {A + B} - C. The NMOS implementation requires two par-
allel transistors with inputs A and B in series with a third transistor with input C.

Equation {5.5) reveals how we should implement the PMOS fanction. Since the
PMOS function pulls the output high and the devices effectively complement each
term, we should implement the function after a term-by-term complement. That is,
we should implement F= AB 4 Cusing the PMOS devices. This requires two series
PMOS devices to implement AB and one parallel transistor with the input C. The
resulting functien is an OAI function, as shown in Figure 5.12.

To generalize the example shown above, we need to combine duality and
DeMorgan to produce a desired function in a single stage. In fact, we need to con-
struct two switch networks to implement a function in CMOS: a pull-down net-
work (n-complex) and a pull-up network (p-complex), as shown Figure 5.13. The
n-complex is defined as the complement of the function that sets the output to 0
due to an active path to Gnd. The p-complex is defined as the function of comple-
mented variables that sets the ontput to 1 creating a path to V5. The two functions
should be duals of one another {after each literal is complemented).

Algorithmically, we should take the given function Fand produce the comple-
ment to obtain the function that we implement in the n-complex. The dual network
should be used for the p-complex. This is obtained by exchanging AND and OR
operations. A visual inspection of the two networks for the duality property can be
carried out to check for correctness at the end of the process. Sizing the transistors
follows the same steps as described for the basic NAND and NOR gates.
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Figure 5.12
Comgplex CMOS gate implementation of [A + 8) « C.
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Figure 5.13
Gereralized complex gate representation.

m

Complex CMOS Gate Circuits Example 5.3
Problen:

implement F = AB + (D as a single-stage complex CMOS gate and a pseudo-
NMOS gate. |

Solution:

For the CMOS gate: first complement F to obtain the n-complex function:
F = AB + CD.This implies that we need two series NMOS paths in parallel with one
another. Cne serfes path implements AB while the other implements £D.
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Next, take the dual of the complement of F:
Flaw = (A + BY(C + D}

This is the function implemented in the p-complex. The same expression would be
obtained if we applied DeMorgan’s Law to F and then complemented each literal.

This imptlies that we need a series connection of two parallel devices, one with A or
B and the other with Cor D

For the pseudo-NMOS gate, only the first part is needed to construct the n-complex.
The pull-up network is, of course, only a single PMOS device. Clearly, this is more
efficient than the CMOS case in terms of area.

Voo

oy

5.4 XOR and XNOR Gates

Two logic functions that are important in digital design are the XOR and the XNOR
functions: '

fXOR = Eb + 53?? = (XOR)
Fanor = & b+ ab = (XNOR)
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Figure 5.14
Static implementation of {a) XOR and (b} XNOR gates.

There are a variety of ways to implement these functions, A number of static ver-
sions of these gates will be presented here, while versions based on the CMOS trans-
mission gate will be presented in later chapters.

_  The straightforward implementation assumes that we have access to 4, 3, &, and
b. In that case, the implemnentations are simply based on the material in the above
sections. The corresponding circuits are shown in Figure 5.14. For the XOR gate, we
first complement the £, function and use it to create the pull-dewn function.
Therefore, two branches are needed, one for ab and the other for 2b. The transistor
configuration can be interpreted as follows: if both a and & are high, or aand b are
low, the output is low. Otherwise, the output is high.

The pull-up branch implements the fy, function directly but replaces each
term with its complement. The result is shown in Figure 5.14a. Note that the addi-
tional connection between the p-channel devices is unnecessary in this case (shown
as a dotted line). :

A similar process is used to obtain the XNOR gate of Figure 5.14b. In this case,
the pull-down tree consists of the complement of fyyop with each branch imple-
menting a & and a b, respectively. This implies that if 4 and ? are different, the out-
put will be low. Otherwise it will be high. The pull-up network should implement
the dual, with parallel connections in place of the series connections of the puli-
down tree.
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f=as+ b5

@ (o}

Figure 5.15
Muldplexer {8} logic symbel and (b} CMOS Implermentation.

5.5 Multiplexer Circuits

The multiplexer circuit produces an output by selecting one of N inputs. There are
many ways to implement this type of circuit. We will examine transmission gate
versions in Chapter 7. Here we examine the simplest possible multiplexer to select
one out of two possible inputs. The function to be implemented is

f=as+ B (MUX)

where 5 is the selection signal and a and & are the two inputs. This function is rem-
iniscent of the XOR and XNOR gates and can be implemented in a similar fashion
as shown in Figure 5.15. The multiplexer is often referred to in its short form as the
MUX.

5.6 Flip-Flops and Latches

In 2ll logic circuits described so far, the output is directly related to the input by
some logic combination. Typically, there are no feedback loops in these circuits, so
the outputs are always a logical combination of the inputs. As a class, these circuits
are known as combinational logic circuits®

There is another class of circuits, known as sequential logic circuits, in which the
new outputs also are dependent on the inputs and the preceding values of outputs.
Examples are counters and data registers. A characteristic of static sequential cir-
cuits is that one or more output nodes are intentionally connected back to inputs o
give positive feedback, or regeneration. This is the same type of regenerative property

9 Some have been known to inzdvertently use the term combinatorial circuits rather than the correct term:
combinational circaits.
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: that was described for inverter chains, except that the signal propagates arocund
feedback Ioops in sequential circuits.

Basic to sequential circuits is the bistable circuit. This type of circuit has two
stable operating points. Prominent examples of the bistable circuit found in digi-
tal ICs are

1. Latches
2. Hip-flops

These two terms have been used interchangeably in the literature, but there is a fun-
damental difference between them. We wili explore this difference in more detail
throughout this section, but a brief explanation of the two types of elements is in
order here. Latches propagate values from input to output continuously when
enabled (typicaliy by a clock signal) whereas flip-flops propagate values at discrete
points in time (typically on the rising or falling edge of a clock). As such, latches are
said to be level-sensitive or transparent, whereas flip-flops are said to be edge-
triggered. This secton will elaborate these concepts and include analysis and design
of these circuits using CMOS technologies. The circuits can be implemented
i directly using the gates described above, although more efficient architectures are
available as seen in later chapters.

5.6.1 Basic Bistable Circuit

We begin with a simple bistable circuit and progress to the elements that are used
in mainstream chip design. Shown in Figure 5.16 are two cross-coupled logic invert-
¥ ers and a voltage transfer characteristic that is typical of such a circuit. The plotted
{ VIC for Inverter 1, V_, versus V,, and Inverter 2, V,, versus V., are shown on the
same graph. Note that there are three possible operating points for the circuit:
points A, B, and C. A and B are siable operating points, while C is an unsiable point
(sometimes referred to as a metastable point).

At point A, the low voltage level of Vi, results in a high voltage level at V,

which causes a low level at V. Similarly, the high voltage level of V,, at point B

Vout &
A
Inverter §
Vo

i
H
] Inverter 2
i

Via !
H
H -

Yor Vi Vo Vi
{a {b)

Figure 5.16
Cresscoupled inverters and corresponding VIC,

—
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causes a low level at V, , which in turn reinforces the high level of V. Since these
two operating conditions are self-consistent, A and B are considered to be stable
points of operation. Alternatively, the gain of the two inverters at the two stable
points is less than unity which keeps their outputs stable.

At point C, the slope is positive and greater than unity (in magnitude). Both
Inverter 1 and 2 are conducting. As a result, point Cis unstable since any small volt-
age change introduced into the circuit at, say, V;, will be amplified and regenerated
around the circuit loop, causing the operating point to move to one of the two sta-
ble points. With V,, made positive with respect to V, due o noise, stability is
reached at point B. With the polarity of the noise source reversed, stability is real-
ized at point A. Note that the cross-over point is the switching threshold, V, avalue
that was used to determine the single source noise margin. In essence, the cross-
coupling of two inverter circuits results in a bistable circuit with two stable states.
For stability it is necessary that the voltage gain around the loop be less than 1; oth-
erwise, the positive gain will amplify the change and eventually force the outputs to
switch to the opposite state due to the regenerative effect.

For a bistable circuit to change state it is necessary that the voltage gain of the
circuit be made greater than 1. This can be accomplished by introducing a trigger
voltage pulse at V.. With the input of Inverter I in the low state, a positive trigger
pulse is required at V. The voltage amplitude of the pulse should be sufficient to
raise the voltage past V where the gain of the circuit is greater than unity; then, due
to the cross-coupled circuit and resulting positive feedback, the trigger pulse will be
regenerated and a change to the opposite state will be initiated.

The width of the trigger pulse need be only a little greater than the total prop-
agation delay time around the circuit loop. The average propagation delay for a sin-
gle gate is given by

e, + tpm

=T (5.6)

where fpy; is the high-to-low propagation delay, and fp;,; is the low-to-high propa-
gation delay. The delay around the inverter loop is tpyy + fp s that is, twice the
average propagation delay time of the logic inverters. So long as the trigger pulse is
greater than this value, the circuit will change state.

In summary, a bistable circuit may be triggered to move from one stable state
to the other by moving an input past V for a duration of 21,. In the absence of 2
trigger, the circuit remains in that stable state indefinitely, provided that power
remains applied to the circuit. Another common name for the bistable circuit is a
flip-flop. However, the name flip-flop is usually reserved for a more complex circuit
than a simple cross-coupling of two inverters.

5.6.2 SRLatch

The simplest form of the bistable circuit is the set-reset {SR) latch. This circuit
Iatches, or remembers, the incoming trigger pulse. Two implementations of this ciz-
cuit are described below. It is a useful circuit that forms the basis of the memory cir-
cuits, described in Chapter 8.
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Figure 5,17
SR fatch composed of cross-coupled NOR gates.

SR Latch with NOR Gates. In Figure 5.17a, the SR latch is implemented with two
NOR?2 gates. One of the inputs of each NOR gate is used to cross-couple to the out-
put of the other NOR gate, while the second input provides 2 means of triggering
the latch from one stable state to the other. This circuit is considered to be a latch
since the output is 2 continuous function of the input values {i.e., it is transparent).
The logic symbol for the latch is shown in Figure 5.17b. The two outputs Qand Q
are complementary and, by definition, the latch is in the set state with a logic 1 at
the Q output and logic 0 at the Q output. Conversely, with a logic 0 at the Q out-
put and logic 1 at the Q output, the latch is in the reset state.

From Figure 5.173, it can be seen that a logic 1 at the set {S} input will cause a
logic 0 at the Q output and, with the reset (R} input at logic 0, it will result in a logic
1 at the Q output, That is, the latch is now set, and the S input can safely be returned
to the 0 state. The trigger pulse at the S input of sufficient duration causes the latch
to be set. Alternatively, a logic 1 at the R input will cause a logic 0 at the Q output
and, with the Sinput now at a logic 0, the result is a logic 1 at the @ output. Since
the latch responds to high voltage levels at the inputs, S and R are referred to as
active high inputs. When the inputs are both returned to the 0 state, the flip-flop
behaves as a cross-coupled pair of inverters, as shown in Figure 5.16a, that hold the
value until further changes are experienced at the inputs.
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The input/output resulis are provided in the truth table for the SR latch in Fig-
ure 5.17c. The truth table lists the output states for all the pessible combinations of
the input states. The first entry in the table is the hold state since, with low voltage
levels at both S and R inputs, there is no change in the Q and Q outputs. The sec-
ond and third entries are the reset and set states, respectively. In the fourth entry
with high levels at both Sand R inputs, the result is that both Qand Q are low. Since
the outputs are not complementary, a logic value of 1 at both Sand R inputs is con-
sidered to be a forbidden, or not-allowed, condition. Tt is only considered forbidden
in the sense that the outputs are not complements of each other. Actually what hap-
pens is that when the input trigger pulses are returned to their quiescent levels, the
final state of the latch is due to whichever input is last to go low.

The delay from S to Q can be estimated as two NOR gate delays, while the delay
from S to Q is only one NOR delay. Similatly, R to Q1is one gate delay while Rto Q
is two gate delays.

m
Bxample 5.4 SR Latch Design Using NOR Gates

Problem:

Design an SR latch in 0,13 gm CMOS using NOR gates to deliver a delay of 400 ps
from S to Q and from R to G. Assume that the total load to be driven by Qand Qs
100 fRand L = 100 nm.

Solution:

The following cross-coupled NOR configuration is used to implement the SR latch.

|

To obtain the desired propagation delays, we use the relationship tpy = toy =
0.7R.4C;. There are two propagation delays from S to Q and R to Q, so we divide the
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two delays equally between the two NOR gates. For the NMOS devices, we know
that R,,, = 12.5 k(}/T]. Therefore,

L
e = 07(125 ki2)-(100 F) = 200 ps

w
: LT =44
Set W, = 440 nm for both NMOS devices,

For PMOS devices, we use our rule-of-thumb and simply quadruple the size of
the NMOS devices to obtain W, = 1.76 um.

SR Latch with NAND Gates. The SR latch can also be designed with NAND gates,
as in Figure 5.18a. Similar to the NOR circuit, the reset condition of the latch is with
Q=0and Q = 1. However, with the NAND circuit, the Sand R inputs are normally
at logic 1. The latch is set with § = 0, and reset with R = 0. Hence this latch responds
to active low inputs, as is indicated by the small circles at the S and R inputs of the

s
e
R }_Hé
(2}
—ds ol—
—de 51—

S D e |
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LT v i )
— = o (i)

(

Figure 5.18
SR latch with NAND gates.
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logic symbol shown in Figure 5.18b, It is also reflected in the characteristic table of
Figure 5.18¢. For the NAND configuration of the SR latch, the forbidden condition
requires S= R=0since thisleadsto Q= Q@ = 1.

The delay from Sto Q can be estimated as one NAND gate delay, while the delay
from Sto Q is two NAND delays. Similarly, R to Qis two gate delays while R to Q
is only one gate delay. The design of this circuit foilows the design of the NAND
gates described earlier. However, the problem of the forbidden state prevents this
type of memory element from frequent use, as in the case of the NOR laich.

| Exercise 5.4 Draw the transistor schematics for NAND-based SR latches using CMOS gatéé and
P pseudo-NMOS gates. Size the devices to deliver 400 ps propagation defays when - |

: driving 100 fF loads in 0.13 um technology. Use the same solution process as N
§ shown for the NOR gates in Example 5.4. N o :

5.6.3 JKFlip-Flop

By the addition of two feedback lines the ambiguity at the output of the SR latch,
when both § and R inputs are activated at the same time, can be overcome. The
device is known as a JK flip-flop. The § and R inputs are renamed J and X, respec-
tively. An all- NAND version of this circuit is shown in Figure 5.19a. An important
addition is a clock {CK) input, provided so that the change in the output logic states
of the flip-flop can be synchronized with a system clock. Hence, the J and Kinputs
are termed the synchronous inpuss; J is the clocked-set input and K the clocked-reset
input. Note from the logic symbol for this circuit given in Figure 5.19b that all three
inputs are activated by high voltage levels.

The JK flip-flop is set and reset in a similar manner to the SR Jatch, except for
the synchronizing with CK, by way of the two NAND gates at the input of the flip-
flop. With the flip-flop reset, Q=0 and Q = 1, and entry is only by way of the
Jinput. A value of J = 1 would cause the flip-flop to set, making the Q output high
and Q low. This now enables the K input; if K= 1 and if CK is still high, the flip-
flop will again change state. This is the flip-flop action from which it derives its
name.!® Note that if the clock continues to stay high with J = K= 1, the flip-flop
will oscillate. Hence for this version of the JK flip-flop there is a very definite restric-
tion on the pulse width of CK. It must be less than the propagation delay time
through the flip-flop.

The characteristic table of the JK flip-flop is given in Figure 5.19¢. Since the two
outputs are always complementary, only the state of the output following the
# + 1st clock is given, indicated as Q,,,. With = K= 0, there is no change in the
state of the flip-flop after clocking, indicated as Q,. But with = K= 1, the flip-flop
changes state when clocked, indicated by Q,. A characteristic of all JK fip-flops is
that with both Jand K at a high level the unit will toggle when clocked; that is, it will

© Technically, the outputs are directly contralled by the inputs while the clock is high and therefere it should
be referred to as a latch,
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Figure 5.19
JK flip-flop.

change state irrespective of its original state. Again, if the clock is high for a long
enough period, the flip-flop output will oscillate in this type of configuration. This
undesirable limitation can be eliminated with the master-slave principle, described
in the next section.

5.6.4 JK Master-Slave Flip-Flop

As shown in the logic diagram of Figure 5.20, the JK masrer-slave flip-flop is 51mp§y
a cascade of two JK flip-flops, with the master driving the slave. An important point
to notice is that the master is activated by CK, but the slave is activated by an
inverted form of CK, namely, CK. The operation of the master-slave principle is as

Master Slave

CK
iawch

=D v S S
NAND NAND

Figure 5.20
Master-slave flio-flop using JK flip-flop.
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et I A

follows. As CK rises, CK goes down; at some point, CK has fallen sufficiently to dis-
able the input NAND gates of the slave. This isolates the slave from the master and
freezes the state of the slave latch. In the meantime, CK rises enough to enable the
input NAND gates of the master. Hence depending on the state of the Jand X feed-
back lines, the state of the J or K input can be entered into the master. Now on the
falling edge of the clock pulse, CK goes down; the input NAND gates to the master
are disabled, freezing the state of the master latch. Then, the NAND gates to the
slave are enabled and the state of the master is transferred to the slave. The outputs
Qand Q are obtained from the sleve latch. Due to this master-slave principle, there
is no limit to how wide CK can be since, when the output changes state, entry into
the master has been disabled. Only on the next clock pulse will the master input
gates be enabled, and then not until a time corresponding to the slave being dis-
abled. Note that there is a minimum limit to the width of CK. It must be wider than
the propagation delay time through the master flip-flop for proper functionality.

A problem with the master-slave flip-flop is that it is subject to what is known
as ones catching. That is, with CK high, suppose the slave is in the reset state, and the
Jinput gate is enabled for a short while and then returns to 0. This will inadvertently
set the first latch. Since this is a level sensitive circuit, the high value on Jwill prop-
agate into the master latch and lock in place. Thus, any “spike” or “glitch” on the J
input line will cause the master latch to be set. It is impossible to reset this latch,
since entry into the K input gates is disabled by the K feedback line. Thus, we say the
Jinput has caught a 1 that will subsequently be transferred to the siave when CK
goes down. One way to prevent ones catching is to keep the duration of the [ state
for CK as short as possible. Another way is to make use of JK edge-triggered flip-
flops, which is the preferred approach.

- .. Draw a timing diagram that illustrates the 1% catching drawback of the JK master- |
N ;_'siave ﬂep of anure 5.20. Start by placmg the JK in the reset state: and apply a §
!

|

,,B{aw the cerres;zondmg logic waveforms on the eutputs of the E\EAND ¥atches

AT ':When does the t;ndesnred 1 appear at the Q autpzzt?

5.6.5 JK Edge-Triggered Flip-Flop

The logic diagram of a JK edge-triggered flip-flop is shown in Figure 5.21a. With CK
at a high level, entry into the input NAND gates is controlled by the JK feedback
lines in a similar manner as for the master-slave flip-flop. But entry into the NAND
latch is prevented until CK goes low.

When CK does go low, the input NAND gates are disabled; the output of the
flip-flop changes due to the state of the Jand/or Kinputs just prior to CK going low.
For proper functionality, the values on the fand X inputs must be held stable fora
finite length of time before the clock edge. This is the sef-up time of the flip-flop,
The circuit is forgiving of any spikes or glitches on the J or Klines prior to this time
as long as the set-up time is satisfied. Some flip-flop designs require the state of the
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JK negative edge-triggered flip-flop.

Jand Kinput lines to remain stable for a time even after the clock edge arrives. This
is known as the hold time, Usually the minimum hold time is 0 ns.

As shown in Figure 5.21b, the logic symbol for an edge-triggered flip-flop is dif-
ferentiated from the master-slave by a small > sign at the CK input. The presence
or absence of the inverting symbol is used to indicate wheéther the outputs Qand
change on the falling or rising edge of the clock pulse. The logic symbol indicates
a negative edge-triggered flip-flop. The corresponding truth table is shown in Fig-
ure 5.21c.

In summary of the JK flip-flops, we have noted that the device may be of the
master-slave or edge-triggered type. The outputs may change following or on the
rising or falling edge of the clock pulse. The device usually has additional inputs for
direct set and reset so that the outputs can be initialized to the desired settings.

5.7 DFlip-Flops and Latches

Another very useful flip-flop, most widely used in CMOS digital circuits and sys-
tems for the storage of data, is the D flip-flop. The truth table of a D-type flip-flop
is shown in Figure 5.22a. With clocking, the Q output simply follows the D input.
The Q output is always complementary to the Q output,

The D-flop may be of two types. It may be transparent, as shown in the logic
diagram (Figure 5.22b). The CK input is really an enable input that, when high,
allows the Q output to follow the D input. The state of the element is frozen only
when CK goes low. Or, it may be edge-triggered, as in Figure 5.22¢, Similar to other
edge-triggered flops, with CK either high or low the D input has no effect on the
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CY

—] CK 7] CK o

(b {c}

Figure 5.22
(@} Truth table, (b} transparent B-latch, and {0) edge-triggered D-flop.

output. Data are transferred from the D input to the output only on the rising edge
of the clock pulse.!! At this point, it should be emphasized that the working defini-
tion of 2 latch is an element that is level-sensitive and transparent, whereas a flip-
flop is edge-triggered and otherwise opaque.!?

To further describe the difference between the two types of sequential elements,
it is useful to examine the outputs, given the same input and cdlock signal. Consider
Figure 5.23 where the D-latch is driven by IN and CLK. The output is a continuous
function of the input while the clock is high. That is, the D-latch ailows the input to
propagate through the latch to the cutput when CLX is high and prevents its prop-
agation when low. Initially, the output is unknown. When the clock goes high, the
low input propagates to the output. When the input data goes high, it appears at the
output after a short delay. When the clock goes low, the last value of the input is
held. Note that the falling edge of CLK is the important one since this is when the
data is latched at the output. Further changes in the input are not propagated to the
output. Therefore, the small negative pulse in the input of Figure 5.23 is not seen at
the output.

Now consider the D-flop in Figure 5.24. In this case, it is constructed using two
D-latches in a master-slave configuration driven by CLK. For the positive edge-
triggered D-flop, the important edge is the leading edge of the clock waveform. The
leading edge captures and propagates the last value at the input just prior to the
clock transition; the final state of the flip-flop is due to the state of the D input just
before clocking occurs. In the waveform shown, there are two points sampled: in
one case, the input is low and in the sther case the input is high. As a result, we see
a transition at the output corresponding to the second rising clock edge. The actions

! Sinee there is no bubble on the CK input, this is a positive edge-triggered flip-flop; a bubble would indicate
4 negative edge-triggered flop.

*? Designers tend to use the terms flip-flop and latch interchangeably which is some cause for confusion, We
will strictly use latch and flip-flop definitions frem this point onward in this text to avoid such confusion,
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are equivalent to a sample-and-hold circuit, where the sampling is done when the
clock edge hits the flop.

There are a number of important timing characteristics associated with flops
and latches. The timing parameters for the flip-flop are fllustrated in Figure 5.25.
The clock edge is the reference point for these timing parameters. The setup time,
T\t 15 the time that the incoming data must be stable before the clock arrives. The
hold time, T}, is the length of time that the data remains stable after the clock
arrives for proper operation. As shown in the figure, if the data is stable before the
setup time and continues to be stable after the hold time, the flop will properly cap-
ture the data. However, if it settles after the hold time it is guaranteed to fail. A fail-
ure implies storage of the wrong data.

If the data arrives within the period designated by the setup and hold times, the
flop may or may not capture the correct value. This is the uncertainty interval.
However, the user of such a flop should not permit signals to stabilize in this range
since proper performance is not guaranteed. Another parameter of importance is
the clock-to-Q delay, T, .. This is the delay from the time that the clock arrives to
the point at which the Q output stabilizes. In reality, the incoming data must arrive
at T, before the clock hits, and the output is valid at T, _ after the clock edge.
Viewed in this way, the “overhead” of the flop is Ty, + Ty, When designing
flops, we should try to minimize T, Thger and T
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Latch timing parameters,

A sirnilar set of parameters applies to the D-latch as shown in Figure 5.26. The
interesting edge of the clock is the falling edge, so the corresponding setup and hold
times are associated with this edge. However, data begins to flow after the positive
going edge of the clock so the setup and hold times are not as critical, and are typ-
ically much smaller for the D-latch. The more important parameter is the “over-
head” associated with the latch, which is referred to as the D-to-Q delay, T, . This
is the amount by which the data is delayed by the presence of the latch. Since the
latch is transparent when the clock is high, we are more interested in reducing the
delay between input and output as opposed to the setup and hold times. However,
if there is 2 late arriving signal near the falling edge, it must satisfy the setup and
hold constraints or the circuit will fail.

We now illustrate how a D-latch can be constructed using conventional CMOS
logic. A logic diagram for the D-latch is given in Figure 5.27. This is suitable for
implementation using AQI gates as shown in Figure 5.28. An edge-triggered D-type
flip-flop may be constructed from two such transparent latches in cascade driven by
complementary clocks. The number of transistors needed to realize a D-flop in this
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manner is large. More efficient circuits for D-latches and D-flip-flops will be pre-
sented in Chapter 7.

5.8 Power Dissipation in CMOS Gates

Power consumption in CMOS digital designs has been increasing at an alarming
rate over the past few technology generations. It has become perhaps the most
important design specification in recent years since it affects power grid design, chip
temperature, packaging decisions, and long-term reliability. If the trend for chip
power continues, it will begin to dictate the logic/memory composition of future
designs and force most of the chip to be dominated by memory, which consumes
less power than logic circuits. In this section, we examine the sources of power dis-
sipation in CMOQS gates and describe circuit techniques to minimize power in
CMOS designs. As we describe these techniques, take note of the role of timing in
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controlling power. To minimize power, we often adjust the timing characteristics of
a design. In effect, the tradeoff between power and timing is a key issue in CMOS
digital design.

Power is due to current flowing from the supply to ground. When computing
power, we must add up all the sources of current flow from Vp to Gnd and multi-
ply it by the potential difference between the two supply rails. The general power
equation is given by

P=ILVy (5.7

where I, is the current flowing from Vpp to Gnd,
In CMOS, the sources of power can be broadly categorized into two groups:

1. Dynamic Power
2. Static Power

Dynamic power arises from three sources: power due to capacitance switching,
short-circuit power due to “crowbar” current flowing from Vp;, to Gnd during
switching, and power due to glitches in the output waveforms. Static power is due
to Jeakage currents (subthreshold current and source/drain juncticn reverse-bias
current) and dc standby current (e.g., pseudo-NMOS circuits with low output}. The
two most important sources of power dissipation today are capacitance switching
and subthreshold leakage. Static dc power dissipation is of primary concern only
when using pseudo-NMOS gates. We now describe these components in detail.

5.8.1 Dynamic (Switching) Power

Most of the chip power today is due to the charging and discharging of capacitances
in the circuit as a result of logic switching events. When switching events occur, the
supply current acts to charge the output load capacitance on one part of the cyele,
and discharge the capacitance on the other half of the cycle. Effectively, we have cur-
rent flowing from Vp; to Gnd (albeit on different parts of the cycle} and this leads
to power dissipation. The frequency of switching, £ determines the actual power
that is consumed.

To compute the average power dissipation due to switching, we need to deter-
mine I, and multiply it with Vj;,. The considerations are detailed for the CMOS
inverter of Figure 5.29a. When the input switches from high to low, the PMOS
device turns on, as shown in Figure 5.29b. It charges up the output to Vi, thereby
storing energy on the capacitor. When the input switches from low to high, the
NMOS device turns on and discharges the capacitor as illustrated in Figure 5.29c.
The average charging current is

av CLAE{;wing
pag = €, == = CiVonfag (58)

Note that in the above equation, we assume that the average switching frequency of
the inverter is f,,_ and the voltage swing is Vpp,.

avg
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Dynamic power dissipation considerations,

The combination of these two processes results in power dissipation. Since the
current is associated with a capacitnr, we can write

P, switching — ID \avy VBD CLA V;;wmgﬁwg VDD =C viz}Bf;vg (5‘9)
This equation tells us exactly what our options are to reduce power: keep C; small,
reduce the swing, reduce Vp,p, or reduce the switching frequency, £,,. The approach
used to reduce power will be dependent on the design style used, timing constraints,
area constraints, and other tradeoffs. Usually power reduction requires a combina-
tion of many methods.

One factor that we should examine more ciosely is the average switching fre-
quency of the inverter, f,,. The clock frequency is normally taken to be fy and
clearly the clock sw1tches on every cycle.”® If we refer to a transition from high to
low or low to high as a teggle, then it follows that we need two toggles to have power
dissipation. On the other hand, most logic gates do not switch on every cycle as
shown in Figure 5.29d. The average frequency of operation can be specified using
an activity factor, @,_,,, that is multiplied by the clock frequency, fy. The power
equation can be modified to include this activity factor as follows:

Pswitd’xing = a%chV?)Dﬁlk (5.18}

B in fact, the dock circuit may consume up to 40% of the chip power due 1o its large capacitance and high
frequency.
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With this power equation and knowledge of the activity factor for each gate, we can
accurately estimate the chip power. While | should be computed for each gate
separately, we can also compute an average activity factor and capacitance for the
whole chip and use these values to estimate the average chip power due to switching.

Example 5.5 Activity Factor Calculation

Prablem:

In Figure 5.29d, we have a total of four toggles of the output over the duration of
eight clock cycles. What is the activity factor for this node?

Solution:

Number of clock cycles =8
Number of toggles at output = 4. Two toggles are required for power dissipation.
#toggles/2

4/2
Agyy = m = activity factor {switching factor) = % = 25%

Example 5.6 Comparison of Hand Calculation of Power with SPICE
Compute the power due to switching for an inverter with W,=800nmand W, =
400 nm driving a total load of 50 ff with an average switching frequency of
250 MHz. Compare the results with a transient simulation in SPICE, Which value is
larger, the one obtained by hand calculation or by SPICE? Use 0.18 um technology
parameters for the analysis with ¥, = 1.8 V.Ignore parasitic capacitances and set
input rise/fall times to 300 ps in SPICE,

Solution:
The dynamic power can be computed by hand as
P = CV* = (50 fF}({1.8)%(250 MHz) = 40.5 uW

A SPICE simulation can be performed to confirm this resuit. A translent analysis is
required, followed by an average power measurement over a 4 ns period. Note that
the inverter must toggle high and low in ordar to create a“power event."The input
file for SPICE is as follows:

*Power dissipated by inverter
*Set supply and library

param Supply=1.8 *for 0.18 technology
ik ‘beim3vi.cmospl8.1ib’
.opt scale=0.lu *Set lambda
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* Power Supply

.global vdd Gnd

vad vdd Gnd
*Subcircult

.subckt inv in out

np cut in vdda vdd
mn cut in Gnd &nd
Cleoad gcut Gnd S50fF

ends

* Top level simulation netlist
Xinv in 1 inv

vin in aEnd pulse G

* gimulation

.tran 50ps 5ns
Jneasure tran avgpwr avg
.end

*Supply’

STATIC MOS GATE CIRCUITS 231

*Supply is set by .1lib call

PMOS1 1=2 w=8 ad=0 pd=0 as=0 ps={
HMOS1 1=2 w=4 ad=0 pd=0 as=0 ps=D_

‘Supply’

ing 200ps 200ps 1.7ns 4ns

F{Xinv) from=ln to=5n

from this simulation, the average power dissipated by the inverter during the
interval is found to be 46.3 uW. This is approximately 14% higher than the hand

calculation.

. e - . s N i |

As seen in the above example, if we run SPICE on a single inverter and measure
power, we will find that the measured value exceeds the hand-calculated value. That
is, Psprc = CV5pf. Why would this be the case? The primary reasen is due to short-
circuit current or crowbar current {although a very small percentage of it is due to
leakage current). The origin of the crowbar current, Iy, is ilustrated in Figure 5.30.

Yoo

Figure 5.30
Short-circuit current fow durlng switching process.

200

Voo




232 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

Crowbar current is the current that flows directly from Vi to Gnd during
switching events. The reason why short-circuit flows is that for a certain period of
time both transistors are ox simultaneously; that is, | Vio| > | V] for both devices. If
we apply a step input, only one device would be o# at any given peint in time, and
we would not observe any short-circuit current. However, since all inputs have a
finite slope, both devices are on when Vo, < Vi, < Vi, — [ Vpy|. Crowbar current
flows in both charging and discharging conditions. The time period that short-
circuit current flows depends on the rise/fall time of the input:

A, = Ar + Ay

where At, , and Az, _care illustrated in Figure 5:30. When discharging, the sum of the
supply current ang the discharging current flows through the pull-down device.
This 1s illustrated in Figure 5.30a. During the charging process, part of the supply
current flows to the capacitor while the remainder flows to Gnd as shown in Figure
5.30b. The average power associated with this current is

Per = LitVpp

Since crowbar current flows during all switching events, it is possible to rewrite the
equation: as follows. Taking Iy, as the average crowbar current during the two
switching intervals, then

Az,
e = ?Isc,avg

This can be substituted into the previous equation fo obtain

_ & fscISQavg

Pge = T Vop = At Jsoag Voo fax {5.11)

It is desirable to replace the first two terms by a term that is similar to the dynamic
power expression, as follows:

I= C%fzbfit = CAV

"'&tSEISC,an = CchDD
Substituting into Equation (5.11), we obtain
P = va.zabﬁ&

Finally, we introduce another switching activity factor and set C = &, C,. With this
adjustment, we have

P = . C,Vipfn (5.12}
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In effect, we are incorporating all the effects of the short-circuit current into a fac-
tor «,, that depends on the device threshold voltages and input rise and fall times.
The total dynamic power can be written as

P, dynamic = aﬁ—bchV%}}f;:]k + ascCLVé'D.f:lk = ach}%‘Dﬁﬂk (5'13)

The first term accounts for the power due to capacitance switching while the second
term accounts for the short-circuit power. The new « incorporates both the activity
factor and short-circuit current effects.

To reduce short-circuit power, we should set the rise and fall times, or edge rates,
to be as short as possible. This will minimize Af,, the time that both devices are on.
However, this is a local optimization that may not be globally optimal. If we use large
drivers at the input to reduce the rise/fall times, this increases the capacitance,
thereby increasing the oversll dynamic power. In effect, there is a tradeoff between
dynamic power of the previous gate and short-circuit power of the next gate, We
usually seck to minimize the total power due to the sum of these two components.
One solution that has been found to be effective is to make the inpat and output edge
rates sharp and about equal. This tends to minimize the overall power due to the two
components of dvnamic power. This is one example where, in order to minimize
power, we must consider the timing characteristics of the signals. We will find many
instances where the timing is an important factor in reducing the overall chip power.

There is one other source of dynamic power due to differences in the arrival
times of signals at gate inputs. If a given input signal arrives first and forces the out-
put to switch, and later another input signal arrives and causes the output to switch
back to the original value, we have a glitch in the output. This type of undesired out-
put pulse causes unnecessary power dissipation, which can be modeled in terms of
switching power. it can be a major component of the total power if the designer is
not careful. Glitches tend to propagate through the fanout gates and cause unin-
tended transitions in subsequent stages, increasing the power dissipation even fur-
ther. Depending on the number of glitches in the chip, it can quickly add up to a
nonnegligible amount of power.

To reduce glitches, signals should be made to arrive at roughly the same time at
all gate inputs, This requires a balancing of the path delays and gate delays in a com-
binational logic block. Whenever possible, the designer should select logic circnits
that minimize the potential for glitches. This may also involve retiming a given cir-
cuit or selecting architectures that are glitch free, or exhibit fewer glitches than oth-
ers. The key, as will be clear in many design guidelines throughout this book, is to
keep things as balanced as possible.

Glitch Example Using NOR Gate
Problem:

Using SPICE and a 0.18 um technology, adjust the inputs of a 2-input NOR gate
until a glitch appears at the output during a transient analysis. Under what condi-
tions does a glitch occur? How should such a giitch be prevented?
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Solution:

Create a SPICE file with a 2-input NOR gate. During the analysis, ane input should
be switching from low to high while the other is switching from high to low in the
same interval to create a glitch. To prevent such a glitch, all the inputs should arrive
at the same time.

*NOR Gate Glitching Example
*Set supply and library

.param Supply=1.8 *for 0.18 technslogy
. temp 25 *Override temperature by setting it before
.1ib
L1ib *beim3vi . cmosplB.lib’
.opt scale=0.1u *Set lambda
*Power supply
.giobal vdd Gnd
vad vad Gnd *Supply’ * Supply is set by .l1ib call
*Top level simulation netlist
mpa out ina x vda PHOS 1=2 w=16 ad=80 pd=16 as=80 ps=16
mph X inb vdd vdd PMGS 1=2 w=16 ad=80 pd=16 as=80 ps=16§
ma out ina éGnd Gnd NMOS 1=2 w=4 ad=20 pd=4 zs5=20 ps=4
mnb out ink gnd Gnd NMOS 1=2 w=4 ad=20 pd=4 as=20 ps=4
Va ina Gnd pulse ‘*Supply’ 4 1ns 100ps 100ps 4.1ns 8ns
Vb inb Gnd pulse ‘*Supply’ 0 lns 100ps 100ps 2ns dns
*Simulation
.tran 188ps ons
.plot tran Vi{out]
.end
Tnput A
Z
1.8
16
i4
1.2 -
2 1h
g 0.8
= 0.6 F
04
02 |
G —
—£.2 i 1 : ; ; i i 1
& 1 2 3 4 ] 6 7 8 g 10
Time {ns)
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5.8.2 Static (Standby} Power

Standby power is an important design consideration for low-power battery-operated,
or portable, devices. There are three basic sources of static power: subthreshold
leakage, pn junction leakage, and dc current in the output low state. Today, leakage
currents are beginning to control design decisions even for high-performance non-
portable applications. As a result, this component of power is gaining more atten-
tion in the IC design industry from process engineers, circuit designers, and CAD
engineers.

The most important issue is the subthreshold leakage. In recent years, it has
grown significantly due to the close proximity of the source and drain. This results
in a bipolar transistor action, where the substrate is the base of the bipolar transis-
tor, and the source and drain act as the emitter and collector, respectively. Sub-
threshold current is due to diffusion current of minority carriers across the channel
region. From earlier discussions in Chapter 2, we found that the subthreshold cur-
rent equation has the form

Ie=1 g [30Vas— V= Vi d/nkT] (1 - e{—gvgsj,m)

When we examine this expression from a power perspective, we try to identify
the controlling parameters to keep L, as low as possible. Specifically, if V53 =19,
then V. controls the magnitude of the subthreshold current. As Vi is reduced, the
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value of I, increases (see Figure 2.16). Since Vi has been kept relatively constant
over the years, the subthreshold current has been kept in check. However, V;, — Vo
controls the forward-active drive capability of the transistor; in effect, we limit the
performance of the devices by keeping V.- constant while scaling Vpp in each tech-
nology generation. Clearly, 2 tradeoff exists between I, and I ¢ when selecting V.

An alternative is to dynamically modify the threshold voltage during operation.
We can accomplish this by adjusting the substrate bias of the transistors in the sig-
nal path. However, when doing so, we must ensure that the V. is reset to a higher
value when these devices are inactive. This is not a straightforward procedure for
complex, high-speed designs.

Another controlling parameter is Vi If we can reduce this value, when the
device is off, it will act to reduce the current. Recall that drain-induced barrier low-
ering causes increased drain current due to a reduction of Vi. Any approach that
can limit Vpg will limit the subthreshold conduction. One method is to add series
transistors to the pull-up and pull-down paths so that there is a smaller Vp, across
each transistor. This is sometimes referred to as source degeneratios.

A third parameter that can be controlled is temperature. If we can cool the tran-
sistors down to a very low operating temperature we obtain two benefits. First, since
the subthreshold current is due to minority carriers, reducing the temperature will
reduce the number of carriers and this will act to reduce the current. When the tran-
sistor is o#, a reduction in temperature will actually increase the drive current since
the mobility of the majority carriers will be increased. Of course, the cooling of
chips requires a much more expensive package, which will increase the cost of the
design.

Another source of leakage is due to the reverse-bias of source and drain junc-
tions. The percentage of the overall power dissipation is rather small but we should
still understand its origin. The basic diode equation is given by

In= L (¢9¥¥% — 1} whereh, = A - J;

In reverse-bias mode, the current is [, = — A J, wherc A is the area of the junction
and J, is the current density. The areas of interest are the bottom of the junction and
the channel-facing sidewall. Therefore, we need to keep these areas as small as pos-
sible by minimizing the source and drain arcas. The currents are typically in the pA
to A range and are negligible in most digital designs. The combination of sub-
threshold current and the p# junction current is referred to as leakage current:

fese = T+ T (5.14)

Since the NMOS and PMOS have different leakage currents, I,y can be based on
the average leakage of the pull-up and pull-down paths. The total static power dis-
sipation due to these two components is

Pstatic = (Imb + Ipn} VDD (5-15)

One final form of static power is found in the pseudo-NMOS gates when the out-
put is low. In this case, the current, I, through the gate is computed by setting the
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output to V; and determining the current flow through any device in the current
path. This current is multiplied by V,;; to obtain the power

Ppe = IpcVpp (5.16)

This power can be relatively large. If we design a circuit with exclusively pseudo-
NMOS gates, the power budget would be exceeded very quickly, much like the
NMOS technology on which it is based. Recall that NMOS technology gave way to
CMOS technology due to the dc standby power when the cutput of a gate was low.
Imagine that you have 2 million logic gates and haif of them are dissipating power.
You quickly realize that you will exceed vour power budget no matter what you do
since the mere existence of the gates implies power dissipation. Therefore, pseudo-
NMOS should be used sparingly.

5.8.3 Complete Power Equation
For a standard CMOS gate, the power eguation is given by

P=al VJ%Dfdk - IleakVDD (5.3?}

where the short-circuit current effects are included in the o term.
For a pseudo-NMOS gate, the complete power equation is given by

IpcVoo

P= o CVipfux + heatVop + (5.18)

where the last term considers the fact that the dc current is flowing only half the time.

Lo
DC Power Dissipation for Pseudo-NMOS Inverter in 0.13 pm Technology Example 5.8

Problem:

{Compute the dc power dissipated by the pseudo-NMOS inverter when the output
is low, given that V,, = 0.1 V, W, /L = 9.Use 0.13 pm technology parameters.

Solution;

The current flowing through the inveriter can be computed using the current
through the pull-down transistor that is in the linear region of operation;

W MRCGX (V )2
Ioc = —N—[ Voo — Vi) (Vo) — —o—
Ly (1 N Vi ) 2
Ecnlu
Using the parameter values for 0.13 um CMOS:

430 pA/NV? [ (0.1)*]
e =9 X 1.2 —04}1{01) — = 250 A
o 0+ 0.1/08)) ¢ Yo =5 J #

P = lpVop = 250 pA X 1.2V = 300 uW
=y e |
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5.9 Power and Delay Tradeoffs

In most designs today, the primary tradeoff is between power and delay. We have
already seen that equalizing the input arrival times will reduce glitches and equaliz-
ing the edge rates will minimize short-circuit current. Clearly, it is not sufficient to
optimize one without considering the other. If we improve a design relative to
power but it slows down the cireuit, the vesults may not be acceptable. Similarly, an
improvement in speed may only be achieved at the expense of power. Therefore, a
metric is needed that allows us to balance the two design objectives in 2 meaning-
ful way.

One such metric that has been popular for many years is the power-delay prod-
uct (PDP}. The rationale is that, if we are interested in reducing power and reduc-
ing delay, then why not take the product of the two and try to minimize them
together? At an intuitive level, this makes sense. If we follow this thought process to
establish a metric for gates, then:

PDP = Pt (5.19)

where P, is the average power and #, is the average propagation delay of a gate.
Considering only the dominant source of power for a gate, we have

F wp GV}%}J)r
and the propagation delay is
ol
2f

assumning that the switching period is twice the propagation delay. Combining these
results, we obtain
1 CVip
PDP = CVipf .= —— 5.20
of 3 =2 . (5203
This is an energy quantity and, as such, the PDP represents the energy required to
perform a specific operation. The reason why we view this as an energy quantity is

that energy is the time integral of power. If we compute the energy stored in the
capacitor after a charging operation, we obtain

v,
® vy

o« oo 1
Ec= J i) v (r)de = J C Vol tH{dt) = J Coue(t) o = = CV
o o df 0 2

In this case, the operation is to switch from low to high. In a similar fashion, Equa-
tion (5.20) defines the PDP as the energy per toggle operation for 2 gate.

The PDP can be minimized by reducing the capacitance C, the voltage swing
AV, 0T the power supply voltage, Vi, However, the metric has some limitations.
If the PDP of two designs performing the same operations are compared, it would
still be difficult to tell which one is better. For example, if one used a lower supply
voltage to reduce PDP, the metric would not capture the fact that the delay is also
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reduced. Also, using smaller transistors would reduce C, but may also slow down the
circuit. Because of the cancellation of the delay term when deriving the PDP, we
have lost valuable timing information.

A solution to this problem is to define another metric that multiplies the PDP
by the delay. This is termed the energy-delay product (EDP). It is given as follows:

EDP = PDP X £, (5.21)
We already have the equation for PDP, but we need a new formulation for £
dav
I=C—
dt
A
s At= C—I—V: (5.22)
CAV CVop

'_ t = j==4
P Ly B(Vop— Vo)

where K, is a constant that depends on device sizes. Combining Equations (5.20)
and {5.22}, we obtain:
C2 V3
EDE = E (5.23)
sz(VDD - VT)

Now, whenever power supply values or device sizes are altered, they are captured in
the EDP, This is a better metric for low-power design.

If the goal of the overall design is to reduce the EDP, then it is instructive to
examine how a number of designs would compare using this metric, For this pur-
pose, we plot the EDP of several designs {a, b, ¢, and d} on a qualitative graph of
energy vs. 1/delay in Figure 5.31. The lines shown in the graph have equal EDP and
are therefore equivalent in terms of this metric. Designs that lie closer to the x-axis

Lowar
EDP

Energy

ifdelay

Figure 5.31
Energy versus 1/delay for four designs:a. b,¢,d.
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Energy
o
E
b Energy x delay
=
g
Z
Eelay
Voo

Figure 5.32
Energy-delay product versus supply voliage,

are better since their energy-delay product is lower. Surprisingly, for the four cases
shown, design b is the best and design d is the worst in terms of EDE.

Another way to view this metric is to examine the energy, delay, and EDP on the
same normalized graph as a function of the supply voltage, ¥5,. This is shown in
Figure 5.32. As the power supply voltage decreases, delay increases, but the energy
per operation decreases. Therefore, an optimum EDP must exist and it can be
obtained by differentiating Equation (5.23) with respect to Vj, and setting the
result to zero: -

GEDP _
- 3
“’VDD = EVT

This optimum value can be used to set the supply voltage for a given technology. It
is interesting to note that increasing the supply voltage beyond the optimum does
not affect EDP very much. Therefore, higher values of V), are acceptable and may
be necessary for the target performance and noise margins of the design. A decrease
in Vpp from the optimum rapidly increases the EDP. Therefore, it is important to
keep the supply value higher than the optimal value, and perhaps this is the best way
to interpret the above results.

Example 5.9

Comparison of Two Designs
Problem:

Compare the chip power for two cases, In one case, a chip has 10M gates, an activ-
ity factor of 10%, V,; = 1.8 V, a clock frequency of 500 MHz and an average capac-
itance per node of 20 fF.In the second case, a chip has 50M gates, an activity factor
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of 5%, Voo = 1.2 V,a clock frequency of 1 GHz and an average capacitance per node
of 10 fF.Which design is better and why?

Solution:
Case 1 10M gates,a = 0.1, C = 20 fF, Vgn = 1.8V, i, = S00MHz — P = 324 W
Case 2:50M gates, oo = 005, C= 1W0fFR Vo =12V, =1 GHz—=P =36 W

The two power levels are about the same, so it appears that the two designs are
about equivalent. Now compute the energy-delay product.

Case T:EDP = Pr2 = 32.4 (2 ns)? = 130{107"®}J)=5
Case 2.EDP = P12 = 36 {1 ns)* = 36{107'®))=s

The second design has a smaller energy-delay product and therefore is supetior.

5,10 Summary

For a series stack with three devices, the width of a single equivalent device is

E
H
3
#
F
b
5

W ALALL
T WW, + W W, + W,

(series stack)

For a paraliel set of devices, the equivalent width with all devices turned on is
We=W + W+ W {parallel devices}

Average propagation delay
_ ot Ty
7 2

Dynamic and static power:

Papramic = g Cr V] ,%Df + a,C Vipf = aC Vipf

Poatic = (L T -{pn) Voo
For a standard CMOS gate, the complete ?ower equation is given by
P=aCVhofos+ beaVon

For a pseudo-NMOS gate, the complete power equation is given by

IDC‘VDD
2

P=waCVipfu + LearVop +

Energy-delay product:
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PROBLEMS

P5.1. Design static CMOS gates that have the following outputs. You may
assume the availability of true and complement forms of each signal for
the input. Note that you should be able to design each function as a sin-
gle gate. Device sizing is not required for this preblem.

{a} Out = ABC + BD
{(b) Out = AB + AC + BC
{cOut=A+B+CD+ A

P5.2. Implement the functions associated with a full adder in static CMOS
using the fact that these are majority functions. That is, if most of the
inputs are high, the output will be high, and if most of the inputs are
low, the output will be low. A useful property of majority functions is
that they are self-duals. The full adder has three inputs, A, B, and G,
and two outputs, Sum and C,,.. The expressions for the outputs are as
follows:

cout = -A-B -§- cm(A - B}
Sum = Cuu{A + B+ G,) + ABG,

P5.3. Design a static CMOS gate that performs the Boolean function F=
{A® BYC + BC. You can use inverters to generate any complementary
inputs needed. Sizing is not required here.
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P5.4. Find the logic function for the circuit in Figure P5.4. What is the worst

case Vg and V¢ (Note: this is a contrived circuit that would not be
used in a real design.}

Figure P5.4 A

P5.5. The circuits of Figure P5.5 are pseudo-NMOS and pseudo-PMOS gates.
What function is performed by each gate? Size the transistors so that the
pseudo-NMOS gate has V;; = 0.1V, and the pseudo-PMOS gate has
Vo= 0.9Vpp. Can you suggest why pseudo-PMOS is not favorable
{compared to pseudo-NMOS}? All transistors have a length of 2A.

Voo

r‘i W=2%

Figure P5.5 -
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P5.6. The circuit of Figure P5.6 is a saturated-enhancement load NMOS NOR
gate. Calculate V5, and Vo and the de current and power when the
output is low. Assume that all the transistors are 2A/2A devices. Assume
0.13 pum technology parameters, '

Vop

—.—]
A—Ilis—l

-

Figure P5.6

P3.7. Calculate Vs of a 2-input NOR gate when one input is switching and
with both inputs tied together. The devices sizes are W, = 16 and W,
= 4A. Then use SPICE to find the VTC when switching only input A,
only input B, and then AB together. The results for the two inputs
switched separately vary slightly. Explain why. Use 0.18 um technology
parameters.

P5.8. What is the minimum value of Vi in the circuit of Figure P5.8 to
obtain Vo= V;,;=18V? Assume 0.18 um technology parameters,
with L =200 nm.

Yoo
——

Figure P5.8

P5.9. In the Figure P5.9 circuit, size the transistors so that #p4 < 50 ps; Vi
= 1.2 Vand V,, = 0.1 V. {The length of all transistors is 2A.) Ignore par-
asitic capacitances of the devices. Use 0.13 um technology parameters.
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nore

Figure P5.9

P5.10. Design a CMOS gate whose output is Out = AB + ABC. If the mini-
mum length of the transistors is 0.1 ywm and the gate is connected to 75 fF
load, calculate the width of the transistors so that &y = t,,; < 50 ps.

P5.11. Calculate the dc static power and dynamic switching power in the cix-
cuit in Figure P5.11 if the average switching frequency is f,, = 100
MHz. What is the combined average power due to these two compo-
nents. Use the 0.13 um technology parameters with 2A =100 nm.
Ignore device parasitic capacitances.

Figure P5.11
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P5.12. Campzzte the static and dynamic power consumption of the two invert-

ers in Figure P5.12. Use the 0.13 zum technology parameters with 2A=
160 nm.

Voo

[ w=a

In 4
i —{{ w=om [ w=2n ISWF

Figure P5,12

P5.13.

P5.14.

Figure P5.14 1_—:

Sketch the VTC of the inverters and show on the graph in which region
we have power due to dc current, subthreshold current, and short-
circuit current.

In this question, the idea is to develop a simple equation for the fotal
switching power for 0.18 um technology that aiso incorporates the
short-circuit power. To do this, use HSPICE to compare the amount of
power due to CV3fversus power due to short-circuit current, I Vpp in
a 4X inverter driving three different load capacitances: 20 fF, 40 {E, and
80 fF, For the same three load capacitances determine the two compo-
nents of power when input slopes are 0.01 ns, 0.1 ns, and 0.2 ns. Build 2
table of ratios between CV?fand IV, as a function of capacitive load
and input ramp. What factor e, would you multiply the CV2fpower by
to incorporate the short-carcult power %aased on this table? {Assume that
F= 200 Mhz.)

For the RC circuit of Figure P5.14, determine the total energy delivered
by the voltage source to the circuit when a step input from 0 to Vpp is
applied. Next compute the total energy that is stored by the capacitor.
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What happened to the rest of the energy that was delivered by the volt-
age source?

P5.15. Do you expect the overail power consumption of a synchronous digital
system to increase or decrease when temperature increases (assume the
clock frequency does not change)? Explain.

P5.16. Design an SR latch in 0.13 um CMOS using NAND gates to deliver a
delay of 400 ps from Sto Qand from Rto Q. Assume that the total load
to be driven by Qand Q is 100 fE

P5.17. The voltage waveforms shown in Figure P5.17 are applied to the JK
master-slave flip-flop illustrated in Figure 5.20. With the flip-flop ini-
tially reset, show the resulting waveform at the Q output of the master
and slave latches.

ar — L1 7 L1
;1 11
X 1 [

Figure P5.17

P5.18. Repeat the above problem for the JK edge-triggered flip-flop shown in
Figure 5.21. Assume the flip-flop is initially set.

P5.19. Implement a positive-edge triggered D flip-flop with set and reset inputs
using only NAND?3 gates (i.e., no inverters). The inputs should be S, R,
D, and CK, while the outputs are Q and Q. Number the NAND gates 1
through 6. Then, answer the following questions:

{a) With CK=D=lowand §=R= high, determine the output state
of each gate {1 or 0). Assume the flip-flop is initially set.

{b} Repeat part {a) after CK = high.

STATIC MOS GATE CIRCUITS
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7.1 Introduction

In previous chapters, we examined the characteristics of static logic gates. Two vari-
eties of static gates were presented: conventional CMOS and pseudo-NMOS gates.
Standard CMOS gates dissipate far less power than their pseudo-NMOS counter-
parts but require more area due to the number of complementary PMOS transis-
tors needed, and their size requirements fo achieve equal rise/fall delays. Usually the
PMOS device is twice the size of the NMOS device in a conventional CMOS
inverter, However, the pseudo-NMOS gates require ratioed devices to set the desired
value of ¥, ; typically, the NMOS device is four times the size of the PMOS device
in a pseude-NMOS inverter. Unfortunately, this produces asymmetric rise and fall
times. If we increase the size of the PMOS device to try to equalize the delays, the
value of V,;; increases. In order to strike a balance between conventional CMOS and
pseudo-NMOS circuits in terms of area, timing, and power, we turn our attention
ta dynamic logic techniques.

Earlier, we found that all nodes of a static gate have direct paths to V,; or Gnd.
So long as the power remains on, the value of the output node is held indefinitely.
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Dynamic gates, on the other hand, store their value on a capacitor. The storage
nodes are often isolated from the rest of the circuit for long periods of time. There-
fore, node values may decay over time if not refreshed or updated periodically. A
dynamic node is also more susceptible to noise events than static gates. It is in this
sense that the name dynamic is applied—the node voltage is held somewhat pre-
cariously by the charge stored at the node. This feature renders dynamic logic less
desirable than static circuits for most designers. However, if we are careful about
how we design this type of circuit, it can outperform static logic circuits. For this
reason, we explore dynamic design techniques in this chapter.

One form of dynamic logic uses transfer gates as switches to propagate infor-
mation through the circuit. When the switches are off, their outputs are held in a
high-impedance (or high-Z) state implying that the gate is no longer driving the
output. In this condition, the previous value is stored as charge on the output capac-
itance. A second form of dynamic logic relies on additional clocking signals for
proper operation. On one part of the clock cycle, all logic gate outputs are
precharged to an initial value. On the other part of the cycle, the gates evahuare their
correct output values. We now discuss these two types of dynamic logic circuits in
detail.

7.2 Basic Concepts

We begin our study of dynamic circuits by considering the pass transistor or trans-
fer gate (sometimes referred to as a pass gate or transmission gate). These devices
will expose the advantages and limitations of using a single transistor as a switch.
There are three basic concepts that are important to dynamic circuits. These are
charge sharing, feedthrough, and charge leakage.

7.2.1 Pass Transistors

The role of a pass transistor is to transfer an input signal, unaltered, to the cutput
node when the gate is on. When the gate is turned off, the output enters the high-Z
state and holds its previous value. This type of logic gate has an input, an output,
and a third terminal that controls whether the device is on or off. In Figure 7.1, sin-
gle n-channel and p-channel implementations of the transfer gate are shown under
various input conditions. The source and drain nodes serve as inputs and outputs,
while the gate node serves as the control input.

Figure 7.1 illustrates the signal transmission capability of each type of transfer
gate in the o# and off conditions. Figure 7.1a demonstrates that the n-channel device
can successfully pass 0V when its control input is at V. Similarly, the PMOS
device propagates Vi, from input to output when its control input is 0 V, as in Fig-
ure 7.1b. However, both NMOS and PMOS devices have problems passing the
opposite signal level. The NMOS device in Figure 7.1c has trouble passing Vpp,
since it shuts off when the output rises to Vpp — Vi, with full accounting for body
effect. The PMOS has a similar problem with low inputs, s shown in Figure 7.1d.
When the control input shuts the device off; the output enters the high-Z state, as in
Figure 7.1e and Figure 7.11.
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(& U]

Figure 7.1
NMOS and PMOS pass transistor configurations,

The reason for difference in transmisston capability of the NMOS device can be
understood by comparing Figure 7.1a and Figure 7.1c. The drain (D)}, gate {(G), and
source (5} have been identified to clarify the description. For an NMOS device, the
drain is the higher of the two nodes. Since the MOS transistor is a symmetric device,
the determination of the drain and source can only be carried cut after the node
voltages have been assigned. In Figure 7.1c, the drain is connected to Vp since this
is guaranteed to be the highest node. If the source node starts at 0 V, the device is on
and in the saturation of operation. Current flows from drain to source to charge up
the output capacitance and the source node voltage begins to increase. It continues
to increase until Vg = V. At this point, the output voltage is V,, — Vo, In Fig-
ure 7.1a, the drain and source terminals are reversed. The value of Vi is always V.
As such, the device is always on and will pull the output node low until Vps = 0,at
which peint the output is@ V.

For the p-channel device, we can go through the same exercise for Figure 7.1b
and Figure 7.1d. This time the definition of the drain and source are reversed such
that the higher voltage is the source and the lower voltage is the drain. In Figure
7.1b, the drain node begins at 0 V and rises as the PMOS device charges it to V.
The output can reach Vjj, since the value of Vi is constant at —V},,, implying that
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Voo Yoo

o P11

Yoo— Vv
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Vpp— Vry
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Voo jT Vop=3Vrw
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©

Figure 7.2
MRAOS pass gate configurations {ignoring body sffect).

the PMOS device is always on. In Figure 7.1d, the source node begins at Vj,; and
drops in voltage as the output capacitance is discharged until the value of Vg =
| Vpl. At this point, the device shuts off. Therefore, the Jowest voltage that the out-
put can reach is |Vl

Figure 7.2 shows three n-channel pass transistor configurations to further clar-
ify the operation. Note that the two circuits of Figure 7.2a and Figure 7.2b produce
the same output, Vp, — V. At first glance, it would seem that Figure 7.2b with
three series transistors would produce an output of Vg — 3V, but this is incor-
rect. Each pass transistor is able to pass a value of ¥V, — V5, from input to output
when the gate voltage is V. Figure 7.3c illustrates the actual configuration that
would produce an output of Vj,; — 3 V. In each successive pass transistor, the gate
voltage is V. lower than the previous transistor. The output can only cimb within
a threshold voltage of the gate voltage before the device shuts off. Note that the more
accurate value of the output isin fact V, — Vi, — Vi — Vi due to the change
in the body effect term in each transistor. The reader should be aware that this
example is contrived since designers should avoid using the output of a pass tran-
sistor to drive the gate of another pass transistor.

For completeness, the p-channel equivalents for Figure 7.2 are given in Figure
7.3. The same arguments for the n-channel configurations can be applied to the
p-channel devices, with the corresponding changes in output voltage levels.
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Figure 7.3
PMOS pass gate configurations {ignoring body effact).

7.2.2 Capacitive Feedthrough ‘

The role of the control node of a pass transistor is o place the device in the onand
off states. As such, it is often driven by a clock signal. Ideally, this input should not
have any direct influence on the output, except to enable or disable the transfer gate.
However, there exists a capacitance, Cr between the gate and output nodes that
causes the clock signal to feed through to the output. This effect is fllustrated in Fig-
ure 7.4. The control signal undergoes a voltage swing from ¥V, to 0 V; thereby shut-
ting off the device. This places the output in the high-Z state since V5 < V. At
this point, the two capacitors, Crand Gy, are isolated from the rest of the circuit
As the gate voltage decreases in value, the charges associated with the two capacitors

Figure 7.4
Clock feedthrough.
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Y.
Cgﬁﬁ T and i
{a) Postitive feedthrough {b) Negative teedihrough

Figme 7.5
Dynamic circuit effects of capacitive feedthrough.

redistribute to maintain equality. This redistribution, called displacement current,
forces the output node to drop in voltage by an amount determined by the relative
values of Crand C, 4. The fact that a small replica of the clock appears at the out-
putled to tf;e terminology of clock feedthrough for this effect. The same effect would
be observed at the drain node if it were isolated from the rest of the circuit, How-
ever, we have assumed that drain is driven by a static gate in this example.

The capacitive effects associated with feedthrough may occur in the positive or
negative direction. We can understand these effects by examining isclated capacitors
in series as shown in Figure 7.5. For a series combination of two capacitors, positive
and negative feedthrough result in noise injection at an internal node when the
external node rises or falls, The change at the exfernal node 1 produces a replica
change at the internal node 2, which is a high-impedance node.

The exact voltage change at the internal node can be determined for the ideal-
ized cases of Figure 7.5. The charges associated with the two capacitors must be the
same at eguilibrium:

C;’{Vz — W)= Cana V2 (7.1)
Therefore,
CV
v, = _ =y (7.2)
Ci+ Cpa
If there is an abrupt change in voltage at node 1, there is a corresponding but
smaller change at node 2:
A GAY,
Vo= —F—"—— 7.3
PGt G (7.2)

In Figure 7.5a, when there is a large positive change in V), the internal node
voltage will change by an amount dictated by the ratic of Gy to (G + C,q)- The
change at node 2 will be in the positive direction. This is sometimes referred to as
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bootstrapping.' In Figure 7.5b, we have a negative going step at node 1 that pro-
duces a replica negative going step at node 2. Consider the two extreme cases of
feedthrough. If C;is much larger than C,,,;, then AV, approaches A V. On the other
hand, if C_, is much greater than G then AV, approaches 0. For the pass transis-
tor, the value of C;is determined by Cgg while C,, is determined by the junction
capacitance, Cgs, plus the loading capacitance of the next gate. To reduce the
feedthrough effect, we should ensure that G4 > C,.

¥y Drop and Clock Feedthrough Effects Example 7.1

Problem:

In the circuit below with the input at 1.2V, what is the initial value of the cutput
when the clock is at 1.2 V. Estimate the final value after the clock goes low. Repeat
the problem for the case when the input is 0 V. Assume that the device is 4A/2A in
0.13 m technology.

Soiution:

initially, the output will be a threshold voltage below 1.2 v

Vour = Vop — Vi = 1.2 — (0.4 + 02{/0.88 + V., — V0.88)}
Vo, =073V

When the clock switches from high to low, the feedthrough effects will act to
reduce the value at the output:

(123

V. . =073 — AV =073 —
ot G+ Cona

in this example, C, Is due 1o the overlap capacitance since the transistor is in the
cutoff region. Therefore,

! Bootstrapping is usually associated with increasing a nede voltage above ¥y, using active devices. We use the
term here more generally 1o refer to any Increase in the voltage due 10 series capacitor effects,
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The value of C,., is due to the junction capacitance. Therefore,
Cra=Cr X W=1F/pum X 02 pm =021

The resulting value of ¥, is

V., = 0.73 Cd12) 0.73 005(1.2) =073 — 024 ~05V
out Gt Cgns 005 + 02 e

For this particuiar case, the clock feedthrough effect is significant even though we
are only considering the overlap capacitance, The resulting voltage is below typical
switching thresholds and this would be 2 problem. In a realistic situation, there is
always additicnal grounded capacitance at the output due to the fanout gates. This
would greatly reduce the degree of clock feedthrough.

When the input is C V, the output is 0 V. However, in this case, the device is in
the linear region of operation, Therefore,

Co=1/2 W + G = (1/2)(2 fF/m) (02 gm) + (0.25 fF/pm) (0.2 wm)

= 025 fF
C1.2) 0.25(1.2)
Ve = 0 Cico=% omron 0 —067=—067V

In this case, the voltage drop is substantially more than the first case since the
device is in the linear region. However, the device does not shut off until V. < Vi
Therefore, this result [s not as accurate as the previous case, but also not as impor-
tant. The feecithrough equation is intended for use at high-Z nodes only.

7.2.3 Charge Sharing

Another important issue in dynamic circuits is charge sharing which tends to
reduce the voltage levels even further. This phenomenon occurs when two isolated
nodes with different voltage levels are suddenly connected together when a pass
transistor turns on, as shown in Figure 7.6. The key requirement is that the two
nades are in the high-impedance state and store different voltages. When the switch
turns omn, the charge redistributes until the voltage levels at the two nodes are equal.
This reduces the voltage at one node while increasing the voltage at the other. If the
voltage is reduced at an output node, it is of concern to us. We can analyze charge
sharing by examining the total charge before and after the charge-sharing event.
In Figure 7.6a, the total charge in the closed system is

Quta = GV + GV, ‘ (7.4)

‘When the gate node is switched from € to V), as in Figure 7.6b, the transistor turns
on and a charge transfer occurs between the two nodes until an equilibrium voltage
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Dvnamic charge sharing.

is reached. At equilibrium, the total charge in the system remains constant. If V¥ is
the final voltage after charge exchange is completed, the total charge is given by

Quea = (C, + C}V* {7.3)
Combining (7.4) and (7.5}, we obtain
— (C1V; + G V) (7.6)
C, + C,

As an illustration of charge sharing, assume that V; = 0 and V, = V,,, — V.in Fig-
ure 7.6a. After the transistor turns on, the voltage at ¥, will drop in value and the
voltage at V| will increase. Equation (7.6} specifies the final voltage on the two
nodes. If ¥, drops below the switching threshold of the next gate, it will trigger the
gate to produce an incorrect output. This is a serious consequence of charge shar-
ing. To reduce charge sharing in this case, C, should be made much larger than C,.
There are additional technigues that can be employed to reduce the effects of charge
sharing that will be described later in this chapter.

Equation (7.6) should be used carefully in conjunction with Figure 7.6 since it
is only valid if V'* does not exceed Vi, — Vi, If the computed voltage goes beyond
this value, then V] should be set to this value and then V, re-calculated with the
remaining charge, Q. — G (Vpp — Vi) In this case, V| # V, after charge sharing.
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Charge Sharing Example
Problem:

In Figure 7.6a, compute the charge-sharing effects for the following cases assum-
ing 0,13 z2m tachnology parameters:

@) G =100fF, G =20fFV, =0V, =12V
{b) C]=2’Oﬂ:;Cz=20ﬂ:,V1=O,V2=3.2V
@ C, =20, C=100fV, =0, V=12V
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Solution:

V. + GV TWOFX0+20f X 1.2
{3}v*=(ii 22)={ )=9.2V
G+ G (20 fF + 100 fF)

V. + OV WFX0+20F X1.2
iy v = G ) _ { ) osy
G +G (20 fF + 20 fF)

V. + GV AMFEXO+ 100 X 1.2
@ yeo GV TG ) 1oy
G +6G (20 fF + 100 fF)

This last solution is not possible since the voltage of node V, cannot rise above ¥V,
— V. Ignoring body effect, the maximum voltage at node V, is 0.8 V. The total
charge in the system is 120 fC. Node V, requires 0.8 X 20 fF = 16 fC of charge. That
leaves 120 — 16 = 104 fC of charge on node V,. This implies that the voltage at
node V, = 104 f{C/100 fF = 1.04 V.

HE 0 S O ol o S OO

7.2.4 Other Sources of Charge Loss

When a pass transistor shuts off, the output node enters a high-Z state and retains
the value of the node as charge on a capacitance. Unfortunately, the charge tends to
leak away over time unless the value is updated or refreshed periodically. If a high
value is stored, there are two possible sources of charge leakage. One source 18
reverse-bias leakage current from the drain junction. This current is rather small as
it depends on the area of the junction which continues to shrink as technology
scales, Of greater concern is the subthreshold current as described in Chapter 2.

A second source of charge loss is noise injection from neighboring wires. For
example, if a wire is routed too closely to a dynamic node, capacitive coupling
between the wire and the node could result in noise injection during swiiching
events, The mechanism is similar in nature to feedthrough and bootstrapping. This
form of noise injection can have serious consequences and must be considered care-
fully when designing dynamic circuits. Coupling noise is the subject of Chapter 10
on interconnect.

Another problem is associated with a-particles which are also responsible for
data loss in memory circuits. These are high-energy particles that may be present in
device packaging materials, such as solder bumps, or due to cosmic rays arriving
from space. Particles of this nature can enter the silicon substrate and generate hole-
electron pairs that act to discharge the output. This occurs over a very short amount
of time and leads to unexpected functional failures in the circuit. The detailed
mechanisms are beyond the scope of this book, but the importance of a-particles as
a leading cause of so-called soft errors in both dynamic and static circuits should be
recognized.

7.3 CMOS Transmission Gate Logic ‘

In the previous section, we observed the limitations of using either a single NMOS
or a single PMOS device as a transfer gate. Bach one is capable of transmitting one
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CROS transmission gate and foaic syrbgl,

of the levels accurately but neither device 1s capable of transmitting both high and
low voltages properly, as evidenced by Figure 7.1. A natural improvement can be
constructed by placing an NMOS device in paraliel with a PMOS device to create a
CMOS transmission gate, as shown in Figure 7.7. The two devices in combination
can fully transmit any signal value between V,,and Gnd. The cost of this feature is
not only an extra transistor, but also an extra inverter since each transistor requires
a complementary control input. Therefore, a total of four transistors are necessary
for the CMOS version. The corresponding symbo! for the transmission gate is also
shown in Figure 7.7. -

To understand the transmission capability of the CMOS transfer gate, consider
the two cases shown in Figure 7.8. The two transistors have been separated out to
clearly identify their role in transmitting 0 V or V. In Figure 7.8a, a 0 V signal is
being transmitted through both devices with an initial output of V5. The NMOS
device has Vo = Vp, for the entire duration of the transition of the output from
Vpp to 0 V. Therefore, it can pull the output to 0V by itself. The PMOS device can
only pull the output to | ¥ since it shuts off at that point. Note the positions of the
gate and source terminals. The Vo value of the PMOS device decreases in magnitude

¥on Yop

IIn Out ‘ iin Out !
I H i {
ev i i Vop 0V Voo |LOY—Vop

g i ' !

] § H i

| z ; |

1 D S 1 Vg P8 D ' ¥pp
In Cut in OCut

o7 :
(=) (&)
Figure 7.8

Transmitiing low and high signals.
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as the output falls from Vy, to 0 V, and it gets progressively weaker. In fact, the
NMOS device pulls the output from |V, to 0 V after the PMOS device shuts off
completely.

The roles of the two devices are reversed in Pigure 7.8b, where the transmission
gate is attempting to pass an input of Vpp, to the output with an initial condition of
0 V. In this case, the NMOS device becomes progressively weaker as the output
increases since its Vige value is decreasing, The PMOS device has a Vi value that is
constant at — V. Therefore, it remains on during the entire output transition.
When the output reaches Vpp, — Vi, the NMOS device shuts off and the PMOS
device pulls the output the rest of the way to V. By examining these two cases, it is
clear that the weakness of one device is overcome by the strength of the other device,
whether the output is transmitting a high or low value. This is a clear advantage of
the CMOS transfer gate over the single transistor counterpart.

Another advantage of the CMOS transfer gate is that the degree of capacitive
feedthrough is reduced. This is because it is clocked with the true and complement
values of the enable signal. Referring to Figure 7.7, when the signal Cfalls, there may
be feedthrough at node B, but it would be canceled by the transition to a high volt-
age at C. If the target voltage of B is low, feedthrough due to C would only make it
lower. So this case is not a problem. If the intended voltage at B was high, then
feedthrough would normally make the voltage lower. But since the p-channel device
remains on for slightly longer than the n-channel device, it is able to pull the output
back to V5.

7.3.1 Multiplexers Using CMOS Transfer Gates

CMOS transmission gate logic can be used to reduce the number of transistors
needed to implement certain logic functions. They can be used in a variety of situ-
ations, but the most popular is in the role of a multiplexer as shown in Figure 7.9.
The control signal S turns the transfer gates on and off depending on its value.
Specifically, when § = 1, the upper transfer gate is on and that aliows A to flow to
the output. When § = Q, the lower transfer gate is o, and that allows Bto flow from
input to cutput, Therefore, the function of this configuration is F = AS + BS. This

|

L F=AS+8S

Figure 7.9
Multiplexer configuration.
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A . F=AB+AE A : — F=AB+AB
B - E ? B
{a) XOR gate {B} XNOR gale
Figure 7,10

XOR and XNOR gates using CMOS transmission gates.

is a multiplexer where.pne of two input signals is selected based on the value of a
control signal.

Assuming that certain rules are followed, it is a simple matter to construct other
useful circuits using the multiplexer of Figure 7.9. By specifying the inputs and con-
trol signals in a particular pattern, we can construct XOR and XNOR gates as shown
in Figure 7.10. A static CMOS gate version would require 16 transistors whereas the
transfer gate version requires only 8 transistors (including all necessary inverters).

Another example is shown in Figure 7.11. Here, two multiplexer configurations
that select one-of-four inputs are shown. In Figure 7.11a, a two-level strategy is
used, while in Figure 7.11b a single-level is used. The two-level approach requires

30} s¢ st sl . 54 sB sC sD
S I )
8— B
= —— OUT — JUT

C— c E %—

b

{a) {b)
Figure 7.11

Two-leve! and single-tevel multiplexer configurations.
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Figure 7.12
Imoroper conditions for muitiplexer style logic.

only two control signals, s and s1, and their complements. The single-level approach
looks more attractive but requires four control signals, sA, s8, 5C, and sD, and their
complements. There are more inverters required and more significant signal routing
issues in this case. We will study the speed of the two approaches in a later section.
For this type of MUX function to wark properly, the control and data inputs
must be carefully specified. First, the data inputs to the multiplexer must all be valid,
and second, the control signals must turn on only one path at a time. If these rules
are not followed, conflicts or charge sharing may occur and corrupt the value at the
output. For example, if there are multiple paths te the output, as in Figure 7.12a, 2
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Figure 7.13
OR 2nd AND functions using CMOS transimission gates,

conflict would arise at the output if A and D had different values. If there is no path
10 the output due to off devices in all paths, the output will assume a high-imped-
ance state as in Figure 7.12b, If intermediate gates are on, as in Figure 7.12¢, then an
unknown may result at the output {possibly due to charge sharing}.

To build general logic functions using transmission gates, the first step is to
select the control signals and build a truth table for ali the possible combinations.
Then, the truth table is converted to a multiplexer-style design by creating a signal
path in the circuit for each row of the truth table. Next, the desired output values
specified in the truth table are routed from the data inputs to the cutput. Any
needed OR and AND operations can be realized using parallel and series transmis-
sion gates as shown in Figure 7.13. Finally, optimization of the design may be car-
ried out to combine paths or remove unnecessary transistors.

o T e T e s o . e e e s e ey - o e e o e
Implement the function F = AB + ABC+AC using transmission gates. Example 7.3

Solutiom

Identify A and B as control signals and build a truth table.

A
G 0
0
i

S LIGNTGE

i i
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This truth table can be directly implemented as shown below using F as data

input.
B
Voo
A
B
c
5 A L F= (AB+ABC) +(A0)
C
B |
¢ L
A
B

The first two lines of the truth table are associated with the lower part of the
multiplexer. They can be combined to simplify the implementation. In addition, the
transfer gate connected to V,,,, does not need an n-channel device since It is only
passing a high value. With these two optimizations, the following circuit results:

V}.‘?D

e L

B
c I
A —— F={AB +ABC)+ {AC}
A

CMOS transmission gates can also be used with combinational blocks to imple-
ment certain functions efficiently. The frst circuit in Figure 7.14 is a six-transistor
XOR gate, The second circuit simply illustrates the use of transmission gate logic with
standard CMOS logic to implement a complex function. In order to quickly extract
the function Ffrom the given circuit, follow the NMOS side of the transmission gates.
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F=AB+AB F=(AB+ABC) ¢ (AC)

;

o L 1>

Figure 7,14
Transmission gates and standsrd gate combinations.

In this case, the NAND operation is being performed on the two inputs. One input is
AC, while the other input is AB + ABC. The resulting functicn F is the NAND of

these two terms as shown in the diagram.

ey

Exercise 7.1

Describe the operation of the XOR gate of Figure 7.14, Discuss its advantages and
disadvantages relative to other XOR circults considered so far in this textbook,

7.3.2 CMOS Transmission Gate Delays

In order to evaluate the timing performance of circuits containing transmission
gates, an RC model of these gates must be developed. The model for a CMQOS trans-
fer gate (TG) consists of an on-resistance, Ry, and two capacitances, C; and C,, as
shown in Figure 7.15. The on-resistance of the transfer gate is a parallel combina-
tion of the on-resistances of the NMOS and PMOS devices. The value of the resis-
tances will depend on whether a ¢ or a 1 is being propagated through the gate. The

Rj\’
i "
Yy P
TG
L T — e
G Re Oy C:I CEI

Figure 7.15
RC medet for CMOS transmission gate.
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resulting RC model must be combined with the RC models for the driver and load
of the transfer gate. It should be noted here that transmission gates do not, by them-
selves, have any drive capabiiity. Their role is to transmit signals from input to out-
put under gate control. Some type of gate must be connected at the input as the
driver for the signal in all circuits that use transfer gates.

A detailed analysis of the on-resistance can be performed by considering the
two cases shown previously in Figure 7.8. The large-signal resistance can be com-
puted using the equation:

Vs
Ips

Ron =

If we return to Figure 7.8a, the inpui is 0 V and the output undergoes a transi-
tion from V,;, to 6 V. The NMOS device begins in saturation and then switches
to the linear region as the output voltage drops to 0 V. When in saturation, the
on-resistance is

Vour

Dsat,n

When the device switches to the linear region, the on-resistance is
Vout

RN =
fDii)z,ft

The PMOS device is biased in the saturation region until the output reaches | Vigl.
At this point, it enters cutoff and the resistance increases to infinity. In the satara-
tion region, the resistance is given by

Vou
R;= __out
Iﬁssz,p

The on-resistances for unit size NMOS and PMQS devices, and their parallel com-
bination are plotted in Figure 7.16a. Note that the resistance of the PMOS device
increases dramatically as the output voltage switches from Vpp to |Vyy|, while the
NMOS resistance drops linearly over the same range. However, the parallel combi-
nation of the two resistances is relatively constant. It is convenient to model this
resistance by a constant value based on the average during the transition.

The same analysis can be carried out for the second case in Figure 7.8b where
the input is V,, and the output transitions from 0 V to V. The PMOS device
begins in saturation and then switches to the linear region as the output voltage
rises to Vp,. When in saturation, the on-resistance is

_ Vpp — Vous

Rp= 22—
IDsat,p

When the device switches to the linear region, the on-resistance is

Vo — Vou

RP =
Intinp
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@ Vin=0V, Vou=Vpp—~0CV (b} Vip = Vpp V=0V —Vpp

Figure 7.16
NMOS and PMOS onresistances for faliing and rising cases.

The NMOS device stays in the saturation region until the output reaches Vpp —
V- At this point, it enters cutoff and the resistance increases to infinity. In the sat-
uration region, the resistance is given by

VDD - Vem

R N -
-{Dsat,n

The on-resistance for unit size NMOS and PMOS devices, and their parallel com-
bination for the second case is shown in Figure 7.16b. Here, the resistance of the
NMOS device increases to infinity as the output voltage approaches Vpp — Ve
while the PMOS resistance decreases linearly over the same interval. Again, the par-
allel combination of the two resistances is relatively constant and of similar magni-
tude as the falling case.

A simplified analysis can be carried out to estimate the on-resistance of the
combined devices for the rising and falling cases. If we are propagating Vj,, the
PMOS device behaves as a regular pullup with an on-resistance of approximately
R = 30 k1. For a unit size device, the resistance is 30 k{}. On the other hand,
the n-channel device is trying to pass a high value and its on-resistance will increase
as its source node voltage approaches V. Since the NMOS device is shutting off,
the resistance will eventually reach infinity. The average on-resistance will be
roughly double its nominal value of R,,, = 12.5 k(}/L]. For a unit device, this value
is 25 k(). The paraliel combination of the two devices produces a value that is close
to the NMOS on resistance:

RTG = RN,;/I,RP = EReqﬂ/f!Reqp = 2R£qnf/2'4Req.ﬂ = I'IR&;ﬁ i Re&;?}

Now consider the case when we are propagating 0 V through the transmission gate.
In this case, the #-channel device is on and has a resistance of R,,,. The p-channel
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Figure 7.17
Transfer gate capacitances in OFF and ON states.

device is initially on and then begins to shut off as the voltage drops to 0 V. There-
fore, its resistance is roughly 2R,,, which is about five times R,,. The parallel com-
bination of the two values produces

Rrc = RyffRp = Rugu//2Rupp = Repu//48Regy = 0.83R . = Reg

Tn effect, the on-resistance of the CMOS transfer gate is approximately R, regard-
less of the rising or falling conditions. Therefore, we will use this value for all resis-
tance calculations with suitable adjustment for different W/L values:

L
R’FG = qun(_-) (7‘7}

We now tarn our attention to the capacitance calcniation. The transfer gate capac-
itance can be determined by examining the capacitances at the input and output for
the on and off cases. When the transfer gate is off; as in Figure 7.17a, the Cggand Cgp
capacitances for both devices are zero, except for the overlap capacitances {not
shown). In this condition, the input and output capacitances are due to the junction
capacitances of the n-channel and p-channel devices.

Using C,,, the input and output capacitances are

Cin = Cout = Cfﬁ(sz + va) (?8}
Since the two devices are the same size this simplifies to
C;B = Ceut = CGEZYV {?.9}

Next, consider a transfer gate in the on state, as shown in Figure 7.17b. Here the
devices are assumed to be in the linear region (which is true for some part of the
transition for both devices). Therefore, the input and output nodes see haif the gate
capacitance from each device along with the junction capacitances (and overlap
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Figure 7.18
Transmission gate with driver and load.

capacitances). The total input and output capacitances are equal and can be com-
puted as

i
Cin = Cow = Cog (W, + W) + = (CgW, + C W) (7.10)

Note that both devices are the same size so this can be simplified to
Co= Cou = Cg2W+ CW (7.11)

With the complete RC model defined as above, it is now possible to compute the
path delay of circuits containing transmission gates. However, accurate delay calcu-
lation must invoive the characteristics of the driver and load of the fransmission
gate, This is illustrated in Figure 7.18a where an inverter is driving the transmission
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Example 7.4 For the two multiplexers in Figure 7.11, which one is faster, assuming that there

gate which is loaded by a second inverter. To compute the delay accurately, the RC
model shown in Figure 7.18b is required. Here the inverter RC model is connected
at the input of the transfer gate and the load capacitance is connected at the output
of the transfer gate. The resulting circuit is an RC ladder.

The Elmore delay equations for RCladders and RC trees are described in Chap-
ter 10. For the purposes of our analysis here, we simply use the results derived in
that chapter, Specifically, the delay of the two-stage RCladder of Figure 7.18c using
the Elmore delay equation is

fEimore = Ric] + {Rl + RZ)CZ
Therefore, for the RC network of Figure 7.18b, we would compute the delay as

teimore = Rinv(Cioy + Crat) + Rimy + R16}(Crez + Croad)

exists a path from input to output? Assume that a 1X inverter drives each inputand
the fanout of the multiplexer is f times the 1X inverter.

Solution:

in order ta compute the delays, we need to make use of the Elmore delay calcula-
tion. For a three-stage RC ladder, the delay has the form

tomoe = G + (B T RG + (B + Ry + R3)G

Using this formulation, we can derive the RC circuits and delays for the two cases

as follows:
MUXT:
g 1 0 i
59 B sl 51
>O ey By, Rig  Bro n
1% ON ON
o o <
OFF | D] dh L L L7 I
><] GuUr - - - ‘ -
- ____>_C-__ 11 = By C) + (Bipy + Rpa)Cs + (Rigy + 2Rp6)C5
0\: C; = 3CefW+ CSW"P ZC@‘W Rin’? = R
m C2=CSW)<2+ZC‘.EWX3 RTGzR
Cy= QCeﬁWx 2+ CgW + SngW
OFF OFF t; = R(29C,; + 8C W
| 1 T BlLT ey g + gjcg)
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MUXz:

611061018

D Ri.rz%‘ R’Z'G
—DC i ____d%: oN___| ouT
I~
—DO:F 2= RinyCy + Riny + ByICs
OuUT

Cam3CW+20W+CW By =R
OPE C5=2CyW x4+ CH+HCW Ryg=2R

fs=R21C g+ 3C, +6fC oW

OFF

Comparing the two cases, MUX1 is slower than MUX2. if we have too many transfer
gates without any buffering, the delay increases very quickly. Also, we will eventu-
ally drive a large load, and transfer gates do not have the needed driving capabil-
ity. However, MUX2 requires more routing resources than MUX1.

7.3.3 Logical Effort with CMOS Transmission Gates

We now address the topic of logical effort {LE) and its application to CMOS trans-
mission gates. Consider the circuit of Figure 7.19 with a minimum size transmis-
sion gate. This is another type of tristate driver which performs a similar function
to the tristate inverter seen in Section 4.9 of Chapter 4. Here, we have three inputs:
A, sel, and sel. Since both sel and sel are related, we can compute the LE for the sel

[ w ‘T‘ lqm

sel
. _ 3WeR . _ WQRRy
LE input A = Swr -2 LE input st = TWR =213

Figure 7.19
Logical effort computation for transmission gates,
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LEinputA = =wrR - 4/3 LE input sel = —=wr = 473
Figure 7.20

LE computation with a 3X transmission gate.

and A inputs. For input 4, we apply the ratio of 7,,./7;,, as prescribed by the LE
method. This involves the product of G, with R,gas described in Chapter €. The
expression for G, is 3WC, for the inverter. R¢is 2R, given that the inverter and TG
each have a resistance of R. Therefore, LE, = 2. For input se/, the input capacitance
is WC, and the total path resistance is 2R (including the inverter). Therefore, LE,
= 2/3,

If we increase the size of the transmission gate to three times the minimum size,
we see from Figure 7.20 that the LE of the A input decreases while the LE for the sel
input increases. This makes sense intuitively since input A experiences a smaller
output resistance without any change in its input capacitance, while input sef expe-
riences an increase of three times its input capacitance but not a reduction of three
times its output resistance.

Example 7.5 Logicat Effort for NAND Driving CMOS TG
Problem:

For the two designs shown below, compute the logical effort for input Aand input sel.

—d|[ 2w —d[ 2w _L_ —di[ 2w [ 2w _;L_

| !
A {| 2% T A ;
sel

B ———[ W

B

il
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Solution:
. 4W{2R) . 4W(5R/4)
i1 = = = — =
LE input A WA 8/3 LE input A WA /3
LE input sel = ( )——-23 LE input 1—4 (SR/4}—
input sef = — / input sel = — o = /

7.4 Dynamic D-Latches and D Flip-Flops

The operation and design considerations of latches and flip-flops were described in
Chapter 5. The D flip-flop and D-latch are perhaps the most widely used circuits in
CMOS design. In this section, we describe design improvements associated with
these types of sequential elements when implemented with transfer gates. The
major advantage in using transfer gates is that the circuits require many fewer tran-
sistors than the configurations shown in Chapter 5.

We begin with the simplest possible D-latch, shown in Figure 7.21a. Surpris-
ingly, a single NMOS pass transistor functions as a D-latch. It is transparent since
the value of D is propagated to Q while CLK is high. When the clock transitions
from high to low, the last value is stored on the capacitor C,. However, there are a
number of obvious problems with this circuit based on material presented earlier in
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Figure 7.21
Progression of simple D-latches,
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Figure 7.22
CMOS D-latch using transfer gates.

this chapter. First, the voltage at the output can only rise to Vp, — V. Second, there
is clock feedthrough at Q when the clock goes low. The level of feedthrough is given
by Equation (7.3). Third, there is no Q output available. Finally, and perhaps most
importantly, the output is in a high-Z state after the clock goes low so it is suscepti-
ble to all of the charge loss mechanisms.

Most of these problems can easily be resolved. The circuit of Figure 7.21b is a
CMOS transmission gate {TG) that resolves the V., drop and clock feedthrough
issues, as we know by now. The generation of Q is simply a matter of adding an
inverter as shown in Figure 7.21c. While this “improved” D-latch will work as
required, its reliability is still questionable due to the dynamic storage at node Q.

To solve this problem, we need a feedback loop to staticaily hold the value when
the latch is off. This is llustrated in Figure 7.22. Here, we added another inverter to
generate Q,,, (since we cannot drive a load from the internal node Q}, and intro-
duced another CMOS TG to connect back to the initially generated Q. Note that the
clock on the new TG is reversed with respect to the first TG. With this clocking
scheme, TG1 is on when we are in transparent mode, while TG2 is on when we are
in hold mode. When the latch is in hold mode, TG2 acts to recirculate Q back to the
input of the first inverter, which takes advantage of the regenerative nature of the
inverters. When the circuit is in transparent mode, TG2 is off and the value of D
passes through to Q_,,, after a delay of TG1 and two inverfers.

While this circuit removes the problem of dynamic storage, it introduces
another small problem. When the CLK signal goes high, we note that there is a delay
before CLK goes low. In that situation, the n-channel device of TG2 is still on. If D is
different from the previously stored Q, then there will be a conflict at node Qfora
short duration. TG1 is attempting to apply 2 new value at Q while TG2 is recirculat-
ing the old value through the loop. The problem can be resolved with proper sizing
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Typical D-latch implementation in CMOS.

of the INV2, TG2, TG1, and the gate that is driving D. The basic idea is to ensure that
the forward path is “stronger” than the feedback path. Therefore, the driver and TG1
must be large enough such that the devices driving the forward path can swing the
voltage at Q past the switching threshold V; when competing with INV2 and TG2. If
they are not sized properly, the old value will remain latched until TG2 turns off.

A more popular version of the D-latch is shown in Figure 7.23. This circuit
employs the same principles as the one shown in Figure 7.22 but avoids any con-
flicts at internal nodes. The operation of this latch is as follows. When the CLK is
high, the latch operates in transparent mode. Any changes at the input D are
reflected at the output after a delay of TG + 2 INV. If the input data is high, then
the value of Q is low. Therefore, M, is on and M, is off. When CLK goes low, then
M, is turned on while M, is turned off. The internal node X is pulied high through
M, and M, Note that there is no conflict situation in this circuit, and node X is not
a dynamic node. A similar analysis can be done with a low input data. This time M,
and M, would act to pull the internal node low after the clock goes low. Again, there
are no conflicts in this configuration.

The circuit for a master-slave D flip-flop can be constructed from two D-latches,
as shown in Figure 7.24. The flip-flop is simply a cascade of two D-latches. The con-
nection of the clock signals to the master and slave are important to note. The posi-
tive edge of the clock shuts off the first latch and enables the second latch. The oper-
ation of the flip-flop is as follows: when the clock is low, the first latch is transparent,
while the second latch is disabled. The data will flow up to TG2, but no further since
TG1 is on and TG2 is off When CLK goes high, TGI shuts off and holds D at the
internal node Q. Either the pull-up or pull-down path for the internal Qis enabled
depending on the data value. Meanwhile, TG2 turns on and allows Q to flow to the
outputs. Since D is only transmitted to the output on the rising edge of CLX, this is
a positive edge-triggered flip-flop.
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Figure 7.24
Pasitive edge-triggered D-type flip-fiop.

7.5 Domino Logic

We have already seen the numerous difficulties that may arise with dynamic logic:
charge sharing, feedthrough, charge leakage, single-event upsets, etc. These problems
have limited the use of dynamic logic in industry. Furthermore, the CAD tool sup-
port needed to verify these types of designs are not readily available, Nevertheless, it
is worthwhile to understand this approach for two reasons. First, static gates require
numerous PMOS devices with relatively large sizes. Trying to implement a high fanin
gate (i, a gate with more than four inputs) is difficult because either the N-complex
or P-complex will require a large series stack. Pseude-NMOS gates help to reduce the
high fanin problem at the expense of static power when the output is low. The
dynamic approach allows us to design circuits that are faster than static gates, with
lower power than pseudo-NMOS, so they are worth exploring. We limit the treat-
ment here to the most prominent dynamic configurations used in industry.

The structure of a dynamic logic gate can be derived from a static logic gate, as
shown in the diagram of Figure 7.25. The conversion from static CMQS to pseudo-
NMOS is straightforward, as shown in the first and second diagrams. We know that
the second gate suffers from excessive power dissipation when the output is low. We
need & way of shutting off the PMOS device when the output is low so as to reduce
the power. What if we turned on the PMOS device to precharge the output to 2 high
value, and then shut off the PMOS device during the period when the output would
go low? For this purpose, we could introduce a new clock signal, B, recharges 1O tUITL
the PMOS device or and off as needed, However, if we tried to charge up the output
using the clocked PMOS device while a path to Gnd existed through the NMOS
devices, we would have contention between the pull-up and pull-down paths.
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Evolution from static gate to dynamic gate,

Therefore, we must add another NMOS transistor, called a foot transistor or evalu-
ation transistor, in the pull-down path. This transistor is turned on only after the
PMOS load is shut off using another clock signal, $ e

The configuration described above is depicted in the third circuit of Figure 7.25
where ., 15 used to turn on the p-channel device and pull the output high
(precharge phase), while @, .. is used to turn on the n#-channel device to poten-~
tially pull the output node low (evaluation phase). The precharge signal is active low
since it is connected to the PMOS device. The evaluate signal Is active high since it
turns on the NMOS device. Since the precharge and evaluate clocks are in phase, we
can simply use one signal called CLK to drive the precharge and foot transistors.
This is shown in the fourth circuit for the dynamic 2-input NAND gate.

The operation of the 2-input dynamic NAND gate is as follows, Initially, the
precharged signal goes low and the output is precharged high. It is as if we are pos-
tulating a “1” at the output of all nodes during this phase. The precharge phase is
intended to be a small portion of the clock cycle. Then, the CLK goes high and we
enter the evaluation phase when the dynamic gates either remain high or are pulled
low. For this NAND gate, if both A and B are high, then a path exists to Gnd. Other-
wise, the output remains high and we preserve the value on the capacitance at the
output node. This charge storage at the output node makes it a dynamic gate.

Dynamic Gate Implementations Example 7.6

Problem:

Implement a 3-input NOR gate in dynamic logic and explain its operation. Size the
transistors 1o deliver the same delays as a2 conventional CMOS inverter (PMOS
8A:20, NMOS 4A24).
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Solution:

The dynamic 3-input NOR gate requires three parallel NMOS transistors, plus two
transistors connected to the CLK input:one PMOS pull-up and one NMOS foot tran-
sistor. When CLK is low, the precharge transistor pulls the output to V. When the
clock goes high, the evaluate transistor turns on. f 4 or B or Cis high, the cutput will
be discharged to Gnd. if ail three inputs are low, the output will remain high.

The pull-up reguires a width of 8A to deliver the same rise delay as the CMOS
inverter, This is somewhat irrelevant since all gates are precharged simultaneously.
The pufi-down tree should also be sized with 8A transistors to produce the equiva-
lent 4) device to deliver the same fall delay as the CMOS inverter. The final sizes are
shown below:

Afe 2 e S w

In reality, the CLK signal arrives first so A, B, and C can be considered as late
arriving signals. In that case, the transistors can be reduced to half the size to
deliver the same delay as the inverter,

P . et A O s

Most logic functions can be implemented as dynamic circuits using the struc-
ture shown in Figure 7.26. The desired function is implemented in the NMOS com-
plex. Transistors Mpand M,, are the precharge and evaluate transistors, respectively.
The foot transistor is the only extra device relative to pseudo-NMOS gates. Note
that all dynamic gates require a clock signal for proper operation. Furthermore, the
clock must be routed to all dynamic gates, as opposed to static gates which do not
require a clock. This places an additional burden on the physical layout tools.

There is a notable complication when one dynamic gate feeds another, as
shown in Figure 7.27a. Since all output nodes are precharged high, all inputs to sub-
sequent gates are high, implying that there will be an active path to Gnd from each
output node as soon as the foot transistor is turned on. Once an output node has
been discharged, it cannot go high until the next precharge phase. Therefore, a
direct connection is not suitable.

A simple solution exists for this problem: add a static inverter to the output of
all dynamic gates. Then define a “stage” as the dynamic gate plus the inverter. The
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output of each stage is now low during precharge. Therefore, all NMOS transistors
are off during precharge and can only be turned on during the evaluate phase as
shown in Figure 7.27b. The combination of a dynamic stage and an mverter is
referred to as a domino stage, and circuits using this form of dynamic logic are
referred to as domine logic circuits.

A cascade of three domino logic stages is shown in Figure 7.28. All three stages
are precharged high when @ is low. The clock, ®, need not be low for very long since
all stages are precharged simultaneously. In fact, the clock should only be low until
all inverter outputs are low. When P goes high, we enter the evaluation phase where
the internal nodes {labeled Y,,Y;, ¥;) will fall like dominos in order from left to right,
assurning there is a path to the Gnd through their respective n-complexes. This is
why the name domino is used to describe Jogic circuits implemented in this fashion.

Meanwhile, the true outputs, F,, F,, and F;, would rise to Vpp,, depending on the
logic in the n-complexes. The clock must remain high long enough for logic to prop-
agate through the entire chain. Therefore, an asymmetric clock with a relatively high
duty cycle {percentage of time that the clock is high) is used for domino logic. The
propagation delay is the sum of each dynamic block and inverter. However, we care
most about the falling edge of the dynamic block and the rising edge of the inverter
ontput. When we optimize the speed of this type of logic, we try to speed up these
transitions because they are the only ones that control the cycle time.

In fact, we should design a domino stage with a stronger pull-down in the
dynamic gate and a stronger pull-up in the static inverter. For the dynamic gate, we
should increase the sizes of the NMOS devices in the #-complex. Since we are only
interested in the rising output of the inverter, we could increase the size of its PMOS
device. This type of inverter is a skewed inverter since its switching threshold is
skewed relative to the conventional inverter. As a side-effect of the sizing operations,
the Vyis higher for the static inverter. Furthermore, there is no pull-up fighting the
pull-down in the first gate so its V is-actually lower than expected (roughly equal
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to the Vi, of the NMOS device}. Therefore, a domino stage will actually switch ear-
lier than a regular gate.

There is also a2 power savings in domine logic. Only those gates that discharge to
Gnd will dissipate power. There will be no power dissipation due to crowbar current
since a direct path between V,, and Gnd is not allowed in this type of logic. In addi-
tion, glitches can be effectively removed since all inputs switch from low o high.

One disadvantage of domino logic is that it can only be used to create nonin-
verting functions. This may not seem to be a problem at first glance, but one quickly
realizes that an fiverter cannot be implemented in domino logic. This is not a seri-
ous problem since we can push the inversions around the circuit as required until
they appear at a primary input or output. We can also generate the true and com-
plement values if necessary using two precharged gates. In the worst case, we will
require twice as many gates but the overall speed will still be faster.

Adder Function in Domino Legic Example 7.7
Prohlem:

Implement the function sum = a £ b @ ¢ in domine logic. Assume that the fiterals
a,q, b, b are available as stable inputs to the gates.

Salution:

We need 1o create the XOR and XNOR of g and & using domino gates and then
2pply them to a third XOR gate, Note that we need the true and complement of X
to implement the function.

X=aeb=ab+ab
X=awb=ab+ab
Sum=ceX=cX+cX

250




342 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

CLK
A d[ 162 ] L s

o 4’67” A—{sx —[ &

[« s k. i

{a) Static NOR gate {b) Dynamic NOR gate

Figure 7.29
Comparison of static and dynamic logical effort.

7.5.1 Logical Effort for Domino Gates

One question to pose at this stage is whether or not domine logic is actually faster
than the static CMOS gates, and by how much. One way to evaluate its timing per-
formance is to use logical effort. For comparison, consider a static NOR gate and a
dynamic NOR gate as shown in Figure 7.29. The pull-down strengths of both gates
have been made equal and we assume that they are driving the same output load to
conduct a fair comparison. The Jength of all devices is 24,

For the static gate, we already determined its logical effort to be 5/3. This can be
derived by comparing the input capacitance of the static NOR to a corresponding
inverter. The inverter size of 8 for the pull-up and 4A for the pull-down produces
a ratio of

(NORinputcap.)  16A + 44
(Inverter inputcap.)  8A + 44

5/3

LEnog =
For the domino circuit, the input capacitance is simply 82 since it is only connected

to NMOQOS devices. Then,

(Dynamic input cap.) _ 8A
(Inverter input cap.} 124

LEgyn nvor = = 2/3

Since the extra inverter in domino logic has an LE = 1, the average LE for each of
the two gates is the geometric mean of the product of their logical efforts (i.e., LE,,
= v/(2/3) {1) = 0.8). Therefore, the domino stage is better in tezms of its overall
drive capability and input capacitive loading.

The results above may seem counterintuitive at first since there are two stages
in the domino circuit and only one in the static NOR gate. However, the fact that
only one NMOS device is driven in the domino case gives it a decided advantage in
terms of input capacitance. This advantage translates into a faster overall circuit.
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Charge-sharing example in domino logic.

Furthermore, the pull-down transistors in the domino case do not fight with the
pull-up device as in the case of the static NOR gate (albeit, only for a brief period
during switching). This makes the switching threshold V; smeller for domino
inputs than for static gates.

7.5.2 Limitations of Domino Logic

While the previous sections highlighted the merits of dynamic logic, there are
notable disadvantages that have prevented its widespread use in industry, The main
problem is the potential for logic upset due to charge loss on a capacitor, and that
is not acceptable to most designers. Charge may be lost via charge sharing, noise
injection due to capacitive coupling, charge leakage, or a-particle hits, Once lost, it
cannot be recovered and the circuit ceases to function correctly. We address each of
these issues below.

Charge sharing was described earlier in this chapter. We now apply it to the
domino stage shown in Figure 7.30. Initially, CLK is low so the circuit is in the
precharge phase. The OUT signal is unknown until the precharge is complete. We
assume that signal X is low initially. When CLK goes high, we enter the evaluation
phase. At some point, IN goes high and turns on one of the transistors connected to
the output, while the other transistor in the stack remains off. As a result, we have
charge sharing between the output node and the internal node X . The degree of
charge sharing depends on the two capacitances C_, and C_: '

4_ _ Com
v Cx + C:mlt VED

If they are equal, then the output value will be reduced to half its original value (i.e,,
1/2 Vpp). Since this value is being fed to an inverter, the implications of this degree
of charge sharing is that the inverter may flip its value and produce an erroneous
result. Furthermove, the fact that the inverter is skewed for timing reasons means
that a smaller drop in the output voltage will cause the inverter to switch. There is
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dynamic circuit more tolerant to noise, it begins to take on the characteristics of a
static device.

A second issue in dynamic circuits is leakage, Both subthreshold current and
reverse-bias diode leakage act to remove stored charge from any high-impedance
nodes. However, every output node is precharged on every cycle. Perhaps a more
serious issue is that of c-particle hits on dynamic nodes. These are cosmic particles
that may enter the substrate and discharge capacitive nodes. Depending on the size
of the capacitance, and hence the total charge on a dynamic nede, it could reduce
the value to a point where the stored information is lost. One way to overcome this
issue is to increase the size of the capacitances, but this increases the area and power
of the circuits. The keeper circuit is also useful in mitigating the effects of leakage
and a-particles.

A third area of concern is noise injection from the clock or capacitive coupling
to neighboring nodes. Clock feedthrough was described earlier in this chapter and
this effect can be observed at the dynamic cutput node through the Cgj, capacitance
of the PMOS precharge device, The example below illustrates that this effect does
not pose a problem. The issue of capacitive coupling to other nodes is described in
more detail in the chapter on interconnect. The design approach to reducing this
problem is to minimize the coupling between any dynamic node and its neighbor
using either spacing or shielding techniques that are described in Chapter 10.

Charge Sharing and Feedthrough in Domino Logic
Problem:

For the domino function below, assume 0.13 pm technology parameters and
answer the following questions:
(a} What function does the gate perform at the output /7

(b} How much dock feedthrough do we ohserve at the internal node X 2 s this
a potential problem?

(¢} What is the worst-case charge sharing voltage that we observe at node X7

CLK

[ ®_
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Solution:
{a} The function at the output is F = AB + C [a noninverting function).

{b} Clock feedthrough is due 1o the clock goi}sg from low 1o high. The PMOS

device is in the linear region after precharge. The feedthrough capacitance is
_ G W, (2 fF/um)(16)(0.05 um)
o2 2

The grounded capacitance at node X, assuming no source/drain sharing, is
Cona = Cu 16X + 164 + 82} + (81 + 4A)

= (1 5/ pm}(40)(0.05 um) + (2 fF/em)(12){0.05 pm)

=5fF
The feedthrough voltage is

AV = CAVy  08fF(1.2V)
¥ G+ Cuy OBFH S

Therefore the output voltage due te feedthrough is 1.2 + 017V = 137V
Since the value is above Y. it is not a problem.

=017V

{c} The worst-case charge sharing assumaes that the ocutput is sitting at 1.2V,
A =1,B = C = 0.We have already determined that C, = 5 fF. The capad-
tance at the intermediate node between transistors Aand B is

Cp= {1 F/um){164) = 16(0.05) = 0.8 fF
Therefore, the worst-case charge sharing is given by

_G(12V)  s(12v)
T+ Cy 08+5

V=§

=10V

This level is not possible at nede Y. Set V), = Vipp — V5 = 0.73 W The rest of
the charge remains at node X. The remaining charge is {5 fF{1.2V)— B8 fF
{0.73 V) = 5.42 f{C_This translates to a voltage of 1.08 V at node X.

7.5.3 Dual-Rail {Differential) Domino Logic

A popular form of domina logic is called dual-raii or differential domino logic. It is
also known as differential cascode voltage switch (DCVS) logic. Since standard dom-
inc can only implement noninverting logic functions, the dual-rail approach has
been adopted by many microprocessor designers to overcome this limitation. The
basic structure is shown in Figure 7.32, Rather than having only ane output node,
a complementary pair of logic outputs are generated. There are two precharge tran-
sistors that force the outputs low when CLK is low. When CLK goes high, either
OUT or OUT will go high, depending on the logic blocks, F and F, respectively. Of
course, both ontputs cannot go high during the evaluate phase.
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Structure of duzl-rail domino fogic.

An example of a dual-rail AND/NAND gate is shown in Figure 7.33. One side
of the gate implements the AND function while the opposite side implements the
NAND function.

This configuration has a number of problems similar to the standard domino
gate. The internal nodes are susceptible to charge sharing. Therefore, a pair of keeper
devices are needed to maintain high levels if the clock is high for a long period of
time. The keeper devices are shown in Figure 7.34. It is clear that the number of
devices needed to implement the gate has increased significantly from the modest
levels that we expected when first considering dynamic logic. Furthermore, the
power dissipation of these gates is much higher than the conventional CMOS gate
or the standard domino gate since one side will always be precharged high and then

Figure 7.33
Cualrail demino AND/NAND functdon.
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Example 7.9

Vop

Figure 7.34
Dual-rail domino with keeper devices,

go low. This is a significant price to pay for the extra output. However, we should
note that not every logic gate requires a complement function. Only those functions
that explicitly require a complementary term would require the use of dual-rail

gates. The rest can be implemented as standard domino gates.

Dual-Rail XOR/XNOR Domino Gate

Problem:

Design & dual-rail XOR/XNCR domino gate and share as many transistors as possi-
ble between the true and complement logic blocks.

Solution:

-
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Figure 7.35
Precharge and postcharge circuits.

7.5.4 Self-Resetting Circuits

The routing of the clock to domino gates presents a problem to CAD tools and
introduces issues of delay and skew into the circuit design process. There are situa-
tions that permit the use of circuits that can automatically precharge themselves
(i.e., reset themselves) after a prescribed delay. These are called postcharge or self-
resetting logic circaits, They find applications where a small percentage of gates
switch in each cycle, such as memory decoders (described in Chapter 10). Here we
will examine the basic operation of these circuits.

Figure 7.35 shows the standard precharge configuration and the postcharge
confignration. In the domino case, the clock is used to operate the circuit. In the
self-resetting case, the output is fed back to the precharge control input and, after a
specified time delay, the pull-up is reactivated. The delay line is implemented as a
series of inverters. The signals that propagate through these circuits are pulses. The
width of the pulses must be controlled carefully or else there may be contention
between NMOQS and PMOS devices, or even worse, oscillations may occur. For
example, if A is high for more than twice the delay around the loop, the circuit will
oscillate. Therefore, special care must be taken to ensure correct timing.

7.6 Summary
Capacitive feedthrough and bootstrapping equation:

AV, = —————
2T Crt Cog

258

i

349



350 ANALYSIS AND DESIGN CF DIGITAL INTEGRATED CIRCUITS

Charge-sharing equation:

— (CIV; + CZVZ}
C, + C,

V*

Large-signal resistance for CMOS transmission gate:

~ Vs
}DS

I
Ryz; = Ry/{Rp = Reqn(?v)

R
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PROBLEMS

P7.1. Compute all the voltages at all the nodes for the pass transistor circuit of
Figure P7.1 including the body effect. Use 0.13 pm technology parame-
ters. Assume that all nodes are initially at 0 V.

1.2V

T T L

1.2V

1 1 L
1

Figure P7.1
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P7.2. Provide a truth table that describes the functionality of each circuit in
Figure P7.2. (Note: In some cases, the output of the circuit may be high-
Z.) The symbol A’ refers to the complement of A.
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Figure P7.2
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P7.3. (a) For the dynamic D-latch shown in Figure P7.3a, estimate the output
voltages for Q and Q given that the input is at Vp, when CLK goes
high (Vpp). Assume that W = 200 nm and Vy;, = 1.8 V. Then, re-
compute the values when the CLK goes low. Include the effects of
clock feedthrough.

Yoo
oo o |
=VYop 0 —
W Q2
[i_w

Figure P7.3a

{(b) Repeat part {a} for Figure P7.3b. Then, compute the worst-case
delay through the D-latch when the clock input goes high. Include
all capcitance. Assume W = 200 am.

Yop

CLK
| 2w

Figure P7.3b

P7.4. Using transmission gates, design a circuit whose output is
{a) Cut= A+ BC
(b} Qut = AB+ BC+C 7
() Out=TA+BFC) +AB |

@ Out=(A+B+C)+AB)

Then remove the transistors and switches that are not necessary.
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P7.5. What is the output of each of the circuits in Figure P7.5?

—d

ouT

CLK — CLK —

e

Figure P7.5 {a)

P7.6. Design a domino circuit whose output is
{a) Out=A + BC
{b) Out=AB+ BC+C

(c) Out={(A+ B+ C)+ AB
(d) out=((A+ B + C) + 4B)

P7.7. What is the LE (logic effort) of each input signal of the circuits of Fig-
ure P7.77 (All transistors are minimum size, L = 2A and W = 24, unless

specified.)
Vop 4
1
Voo g B
i T
L[:,__' 'J_L'E |— out 4 o —ouT
T _T— W=4A _L _{_
A B B _IL!
| | T ¢
Figure P7.7 ‘ - A c
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P7.8. For the circnit shown in Figure P7.8, assume that the transmission gates
are all 42:2A and that the inverters driving the transmission gates have
PMOS transistors that are 8A:2A, and NMOS transistors that are 4A:24,
where A = 0.1 gm. The output inverter is to drive a 50 £F load. The ont-
put inverter is ftimes larger than the input inverters.

Figure P7.8

(a)

(b)

{©)

(d)

{e)

T
8,

i

f

Do— oUT
C

selB

oty

-

b
119
—

Write the expression for the output function in terms of A, B, sei,
and selB.

Draw an equivalent RC circuit model for the path from A to C
assuming that the sef signal is high, Write down the individual con-
tributions for each resistance and capacitance and place the total
values at the appropriate nodes.

What is the expression for the delay from A to C? Use Elmore delay
here,

Write down the expression for the delay through the output
inverter knowing that it is f times larger than the input inverters.
Use an RC delay here.

Determine the optimal size of the output inverter to minimize the
total delay from A to OUT. That is, write the complete expression
for the delay and then derive the best value of fthat would produce
the smallest delay.

P7.9. ‘What is the logical effort of the circuits of Figure P7.9 (W, = 84, W, =
12A)? Consider the fall transition in each case.
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ouT

CLK —

Figure P7.9

P7.10. In the circuit of Figure P7.10, determine the capacitance of each node
and calculate the minimum and maximum delay. (Al transistors are
minimum size, L = 24 and W = 2, unless otherwise specified.)

-—OLUT

Figure P7.10
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P7.11. The precharged circuit of Figure P7.11 is a 2-input AND gate. Draw the
waveforms at nodes F, X, and ¥ as a function of time. You can assume
short rise and fall times (i.e., you do not need to calculate them), but the
final value in each phase must be correct. Only the capacitances shown
here need to be considered. All devices are minimum size. Both Fand ¥
start out unknown. Use 0.13 pm parameters,

1.2¥

—

L.

2 12
[ leo]  fse

N S A S
1

0.0

= Y @

Figure P7.11

P7.12. What is the effect of temperature on static and dynamic logic circuits in
terms of speed, power, and leakage current?

P7.13. Shown in Figure P7.13 is a dynamic logic gate in which the precharge
device has a WY7L of 5, the n-channel devices are all 3, and the inverter is
a skewed inverter with a pull-up of 4 and a pull-down of 1 to reduce the

delay.
0
oo
qGC09
CLK gg
Figure P7.13 )
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(a) What input settings give you the worst-case charge sharing?
{b) What is the amount of charge sharing in the worst-case?

{c) Does this circuit fail in the worst-case charge sharing situation?
Explain.

P7.14. The two CMOS circuits in Figure P7.14 are intended to be simple
latches. Do these gates work as latches? Are there any problems with
using them as latches? Is one better than the other? Explain.

Vap Voo

—— =R

B — —
OUT I our
] —
IN __4| EN
Figure P7.14 - (& ] (b}_

P7.15, The circuit shown in Figure P7.15 is a bootstrapped inverter. It uses a
linear enhancement load, M,, with an addition transistor, M, to provide
gate drive to M,. A bootstrapping capacitor, C,, is used to pull node X
up when the cutput is being pulled up. Answer the following questions
in terms of the quantities Vyp,, Vi, Vo, Gy C,pp and G,

(a) When the input is V5, what is the output voltage and the voltage at
node X?

(b) When the input switches to a low voltage, what is the required value
of , that allows the output to reach Vp,?

Figure P7.15
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8.1 Introduction

Modern digital systems require the capability of storing and retrieving large
amounts of information at high speeds. Memiories are circuits or systems that store
digital information in large quantity. This chapter addresses the analysis and design
of VLSI memories, commonly known as sesmiconductor mesmories. Today, memory
circuits come in different forms including SRAM, DRAM, ROM, EPROM,
E?PROM, Flash, and FRAM. While each form has a different cell design, the basic
structure, organization, and access mechanisms are largely the same. In this chap-
ter, we classify the different types of memory, examine the major subsystems, and
focus on the static RAM design issues. This topic is particularly suitable for our
study of CMOS digital design as it allows us to apply many of the concepts pre-
sented in earlier chapters.

Recent surveys indicate that roughly 30% of the worldwide semiconductor busi-
ness is due to memory chips. Over the years, technology advances have been driven
by memory designs of higher and higher density. Electronic memory capacity in
digital systems ranges from fewer than 100 bits for a simple function to standalone
chips containing 256 Mb (1 Mb = 2!° bits} or more.! Circuit designers usually

! Recently, a memory chip with 1 Gbit of data storage capacity has been annovnced.
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360 ANALYSIS AND DESIGN OF BAGITAL INTEGRATED CIRCUITS

speak of memory capacities in terms of bits, since a separate flip-flop or other sim-
ilar circuit is used to store each bit. On the other hand, system designers usually state
memory capacities in terms of byies {8 bits}; each byte represents a single alphanu-
meric character. Very large scientific computing systems often have memory capac-
ity stated in terms of words (32 to 128 bits). Each byte or word is stored in a partic-
ular location that is identified by a unique numeric address. Memory storage
capacity is nsually stated in units of kilobytes (K bytes) or megabytes (M bytes).
Because memory addressing is based on binary codes, capacities that are integral
powers of 2 are most common. Thus the convention is that, for example, 1K byte =
1,024 bytes and 64K bytes = 65,536 bytes. In most memory systems, only a single
byte or word at a single address is stored or retrieved during each cycle of memory
operation. Dual-port memories are also available that have the ability to read/write
two words in one cycle.

8.1.1 Memory Organization

The preferred organization for most large memories is shown in Figure 8.1, This
organization is a random-access architecture. The name is derived from the fact that
memory locations (addresses) can be accessed in random order at a fixed rate, inde-
pendent of physical location, for reading or writing. The storage array, or core, is
made up of simple cell circuits arranged to share connections in horizontal rows
and vertical columns. The horizontal lines, which are driven only from outside the
storage array, are called wordlines, while the vertical lines, along which data fiow into
and out of cells, are called bitlines.

A cell is accessed for reading or writing by selecting its row and column. Each
cell can store 0 or 1. Memories may simultaneously select 4, 8, 16, 32, or 64 columns

Cell array "CORE"

2 2" -

\._-

L— Wordlines

Bt Ceil

Row address
Row decoder

= Bitlines

T EEE]
*
.
L3

2n 2

Column decoder/MUX /—-l—.—

—i—— -

L

H m
Columa address

Figure 8.1
Qrganization of memory systems.
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in one row depending on the application. The row and column {or group of
columns) to be selected are determined by decoding binary address information.
For example, an n-bit decoder for row selection, as shown in Figure 8.1, has 2% out-
put lines, a different one of which is enabled for each different »-bit input code. The
column decoder takes m inputs and produces 27 bitline access signals, of which
1, 4, 8,16, 32, or 64 may be enabled at one time. The bit selection is done using a
multiplexer circuit to direct the corresponding cell outputs to data registers, In
total, 27 X 2% cells are stored in the core array.

An overall architecture of a 64 Kb random-access mermory is shown in Figure
8.2, For this example, n = m = 8. Therefore, the core array has a total of 65,536
cells. The memory uses a 16-bit address to produce a single bit output.

Memory cell circuits can be implemented in a wide variety of ways. In princi-
ple, the cells can be based on the flip-flop designs listed in Chapter 5 since their
intended function is to store bits of data. However, these flip-flops require a sub-
stantial amount of area and are not appropriate when millions of cells are needed.

; 2m =355 |
1
Row decoder 3 T E i E
- "’H:l lji" '°§:I _| ,__l:‘l_li' Column pull-ups
D Wordline | | T
D RN ’
- Bitline ~
L N
& s

Address -

iﬁput 2m
- —4[:,31— {:J;— —«4{3]— ~, T Column MUX
m=3§ ] 7

Column
deceder

3
i Sense amplifier
—» Sense en
Read/write —

—= Write en

Readfwrite Write driver
control

Datain Data out

Figure 8.2
Overall architecture of mernory design,
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In fact, most memory cell circuits are greatly simplified compared to register and
flip-flop circuits. While the data storage function is preserved, other properties
including quantization of amplitudes, regeneration of logic levels, input-output iso-
lation, and fanout drive capability may be sacrificed for cell simplicity. In this way,
the number of devices in 2 single cell can be reduced to one to six transistors. Fig-
ure 8.2 jllustrates a six-transistor memory cell.

At the level of a memory chip shown in Figure 8.2, the desired logic properties
are recovered through use of properly designed peripheral circusts, Circuits in this
category are the decoders, sense amplifiers, column precharge, data buffers, etc.
These circuits are designed so that they may be shared among many memory cells.
Read-write {R/W) circuits determine whether data are being retrieved or stored,
and they perform any necessary amplification, buffering, and translation of voltage
levels. Specific exampies are presented in the following sections.

8.1.2 Typesof Memory

Read-write random-access memories (RAM) may store information in flip-flop
style circuits, or simply as charge on capacitors. Approximately equal delays are
encountered in reading or writing data. Because read-write memories store data in
active circuits, they are velatile; that is, stored information is lost if the power sup-
ply is interrupted. The natural abbreviation for read-write memory would be
RWM. However, pronunciation of this acronym is difficult. Instead, the term RAM
is commonly used to refer to read-write random-access memories. If the terms were
consistent, both read-only {(see below) and read-write memories would be called
RAMS.

The two most common types of RAMs are the static RAM (SRAM} and the
dynamic RAM {DRAM}, The static and dynamic definitions are based on the same
concepts as those introduced in earlier chapters. Static RAMs hold the stored value
in flip-flep circuits as long as the power is on. SRAMs tend to be high-speed mem-
ories with clock cycles in the range of 5 to 50 ns. Dynamic RAMs store values on
capacitors, They are prone to noise and leakage problems, and are slower than
SRAMS, clocking at 50 ns to 200 ns. However, DRAMS are much more dense than
SRAMs—up to four times more dense in a given generation of technology.

Read-only memories {ROMs} store information according to the presence or
absence of transistors joining rows to columns, ROMs also employ the organization
shown in Figure 8.1 and have read speeds comparable to those for read-write mem-
ories. All ROMs are nonvolatile, but they vary in the method used to enter {write}
stored data. The simplest form of ROM is programmed when it is manufactured by
formation of physical patterns on the chip; subsequent changes of stored data are
impossible. These are termed mask-programmed ROMs, In contrast, programmable
read-only memories (PROMs) have a data path present between every row and col-
umn when manufactured, corresponding to a stored 1 in every data position. Stor-
age cells are selectively switched to the 0 state once after manufacture by applying
appropriate electrical pulses to selectively open (blow out) row-column data paths,
Once programmed, or biown, a 0 cannot be changed back to a 1.
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Erasable programmable read-only memories (EPROMs) alse have all bits ini-
tially in one binary state. They are programmed electrically {similar to the PROM),
but all bits may be erased (returned to the initial state} by exposure to ultraviolet
(UV}) light. The packages for these components have transparent windows over the
chip to permit the UV irradiation. Electrically erasable programmable read-only
memories (EEPROMs, E2PROM, or E-squared PROMSs) may be written and erased
by electrical means. These are the most advanced and most expensive form of
PROM. Unlike EPROMSs, which must be totally erased and rewritten to change even
a single bit, EXPROMs may be selectively erased. Writing and erasing operations for
ail PROMs require times ranging from microseconds to milliseconds. However, all
PROMs retain stored data when power is turned off; thus they are termed non-
volatile.

A recent form of EPROM and E*PROM is termed Flash memory, a name derived
from the fact that blocks of memory may be erased simultaneously. Flash memory
of the EPROM form is written using the hot-electron effect? whereas E2PROM
Flash is written using Fowler-Nordheim (FN) tunneling.? Both types are erased
using FN tunneling. Their large storage capacity has made this an emerging mass
storage medium. In addition, these types of memories are beginning to replace the
role of ROMs on many chips, although additional processing is required to manu-
facture Flash memories in a standard CMOS technology.

Memeries based on ferroelectric materials, so-called FRAMs or FeRAMs, can
also be designed to retain stored information when power is off. The Perovskite crys-
tal material used in the memory cells of this type of RAM can be polarized in one
direction or the other to store the desired value. The polarization is retained even
when the power supply is removed, thereby creating a nonvolatile mernory. How-
ever, semiconductor memories are preferred over ferroelectric memories for most
applications because of their advantages in cost, operating speed, and physical size.
Recently, FRAMs have been shown to be useful nonvolatile memory in certain
applications such as smart cards and may be more attractive in the future due to
their extremely high storage density.

8.1.3 Memory Timing Parameters

The timing signals of random-access memories are illustrated in Figure 8.3. At a
high level, the main inputs are the (# + m)-bit address, the k-bit input data, and the
read/write signal (write operations are active low in this example}. The output is the
k-bit value that was stored in the memory location associated with the (# -+ m)-bit
address. The read access time, 1), is the delay from presentation of an address until
data stored at that address are available at the output. Maximum read access time is
an important parameter, and it should not exceed the memory cycle time since

?Hot clectrons are created by applying a high feld in the channel region. These electrons enter the oxide and
raise the threshold voltage of a device. Devices with this higher threshold voltage are viewed as a stored “1.”
Devices with the lower threshold voitage represent a stored ©0.°

3 Fowler-Nordheim tunneling occurs through thin insulating material such as thin-oxide associated with the
gate. Carrent flows throngh the axide by tunneling through the energy barrier,
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Figure 8.3
Random access memory Uming parameters.

there are write setup operations needed before each memory operation, indicated
BY £, f5erup- L & memory clock cycle time, # 4., is the minimum time needed to com-
plete successive read or write operations.

The cycle time is essentially the reciprocal of the time rate at which address
information is changed while reading or writing at random locations. Minimum
access times for reading and writing are not necessarily the same, but for simplicity
of design, most systems specify a single time for both reading and writing. For semi-
conductor read-write memories, the read access time is typically 50 to 80% of cycle
time,

8.2 MOS Decoders

The row and column decoders identified in Figure 8.1 are essential elements in ail
random-access memories. Access time and power consumption of memories may
be largely determined by decoder design. Similar designs are used in read-only and
read-write applications. Row decoders take an n-bit address and produce 2" out-
puts, one of which is activated. Obviously, the one that is activated depends directly
on the address applied to the memory. Figure 8.4 shows two forms of decoders:
AND and NOR decoders. The decoder can be implemented using AND gates or
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Figure 8.4
AND and NOR decoders.

NOR gates that take every possible combination of the inputs. There are two
address bits in this example and we require both the true and complement of each
address bit, The output line activated by each input combination is shown in the
figure. Note that all outputs are normally low except one.

An #-bit decoder requires 2 logic gates, each with » inputs. For example, with
n = 6, we need 64 NANDSG gates driving 64 inverters to implement the decoder.
From previous chapters, it is clear that gates with more than 3 or 4 inputs create
large series resistances and long delays. Rather than using n-input gates, it is prefer-
able to use a cascade of gates. Typically two stages are used: a predecode stage and a
final decode stage. The predecode stage generates intermediate signals that are used
by multiple gates in the final decode stage. In Figure 8.5, schematics are shown for
two possible alternatives to implement a 6-input AND gate. We could choose three
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Figure 8.5
Predecoder configurations.

NAND?2 gates and one NAND?3 gate to implement each ANDG gate, as shown in
Figure 8.5a. Alternatively, two NAND3 gates and one NAND2 gate of Figure 8.5b
may be used. The better of the two can be determined using logical effort.

The main advantage of two-level decoding is that a large number of intermedi-
ate signals can be generated by the predecode stage and then reused by the final
decoding stage. The result is a reduction in the number of inputs for each gate. Since
this aspect is not clearly depicted in Figure 8.5, a more complete example for 6
address bits is shown in Figure 8.6. In the predecoder, a total of 12 intermediate sig-
nals are generated from the address bits and their complements. The signals that are
generated in the predecoder are as follows: A, AjA;, ApAp, Agdy AAs A4, et
These signals may now be used by the final decoding stage to generate the 64
reauired outputs using NAND3/inverter combinations. This corresponds to the
configuration shown in Figure 8.5a. Each predecoder output drives 16 NAND gates
{i.e., 64 NAND3 gates X 3 inputs each / 12 intermediate outputs}. Therefore, the
branching effort BE = 16. The delay through the NAND2-inverter-NAND3-~
inverter stages can be minimized by sizing the gates using logical effort. A similar
kind of two-level decader can be constructed using the configuration of Figure 8.5b.
Again, the better of the two approaches can be determined using logical effort. It is
important to minimize the delay through the decoder as it may constitute up to
40% of the clock cycle.
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Final 1 + B » 52 63 64
decoder

Figure 8.6
Srructure of two-level decoder for 6-bit address.

Decoder Sizing Using Lagical Effort Techniques Example 8.1
Problem:

Size the decoder of Figure 8.6 using FO4 rules assuming that the normalized out-
put loading is 1. FO4 rules imply that the optimal stage effort Is equal to 4.

LE X BE X Co

For each stage, G, = 2

Solution:

Work backwards from the output to the input, taking into account logical effort
and branching effort of each stage. First, the normalized output has a size of 1.
Therefore, the inverter input capacitance is 1/4 using FO4 sizing rules. The LE of the
NAND3 gate is 5/3. Therefore, its input capacitance is {5/3)/42. The branching effort
at the output of the predecode stage is 16. Therefore, the input capacitance of the
fnverter is {16){5/3)/43, Finally, the NANDZ gate has an input capacitance of
{(16)(4/3)(5/3)/44,
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8.3 Static RAM Cell Design

Memories are said to be static if no periodic clock signals are required to retain
stored data indefinitely. Memory cells in these circuits have a direct path to Vpp or
Gnd or both. Read-write memory cell arrays based on flip-flop circuits are com-
monly referred to as static RAMs or SRAMSs. The design issues for static memory
cells are described in this section.

8.3.1 Static Memory Operation

The basic static RAM cell is shown in Figure 8.7a. It consists of two cross-coupled
inverters and two access transistors. The access transistors are connected to the
wordline at their respective gate terminals, and the bitlines at their source/drain ter-
minals. The wordline is used to select the cell while the bitlines are used to perform
read or write operations on the cell. Internally, the cell holds the stored value on one
side and its complement on the other side. For reference purposes, assume that
node g holds the stored value while node 7 helds its complement. The two comple-
mentary bitlines are used to improve speed and noise rejection properties, as
described later in this chapter.

The VTC of cross-coupled inverters is shown in Figure 8.7b. This type of VIC
was already described in Chapter 4 on single source noise margins, and in Chapter 5
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Figure 8.7
Bacic SRAM cell and VL,

on flip-flops. The VTC conveys the key cell design considerations for read and write
operations. In the cross-coupled configuration, the stored values are represented by
the two stable states in the VTC. The cell will retain its current state until one of the
internal nodes crosses the switching threshold, V. When this occurs, the cell will
flip its internal state. Therefore, during a read operation, we must not disturb its
current state, while during the write operation we must force the internal voltage to
swing past V; to change the state.

The six transistor (6T) static memory cell in CMOS technology is illustrated
schematically in Figure 8.8. The cross-coupled inverters, M,, M; and M,, AL, actas
the storage element. Major design effort is directed at minimizing the cell area and
power consumption so that millions of cells can be placed on a chip. The steady-
state power consumption of the cell is controlled by subthreshold leakage currents,
50 a larger threshold voltage is often used in memory circuits. To reduce area, the
cell layout is highly optimized to eliminate all wasted area. In fact, some designs
replace the load devices, M and M, with resisters formed in undoped polysilicon.

Wordiine

Figure 8.8
6T SRAM cell.
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Figure 8.9
Wordline and doubie bitline configuration.

This is called a 4T cell since there are now only four transistors in the cell. To min-
imize power, the current through the resistors can be made extremely small by using
very large pull-up resistances. Sheet resistance of these resistors is 10 M per square
or higher and the area is minimal. Standby currents are kept in the nanoampere
range. Thus, power and area may be reduced at the expense of exira processing
complexity to form the undoped polysilicon resistors. However, the majority of the
designs today use the conventional 6T configuration of Figure 8.8.

The operation of an array of these cells is fliustrated in Figure 8.9. The row
select lines, or wordlines, run horizontally. All cells connecied to a given wordline
are accessed for reading or writing. The cells are connected vertically to the bitlines
using the pair of access devices to provide a switchable path for data into and out of
the cell. Two column lines, b and b, provide & differential data path. In principal, it
should be possible to achieve all memory functions using only one column line and
one access device. Attempts have been made in this direction, but due to normal
variations in device parameters and operating conditions, it is difficuit to obtain
reliable operation at full speed using a single access line. Therefore, the symmetri-
cal data paths band b as shown in Figure 8.9 are almost always used.

Row selection in CMOS memory is accomplished using the decoders described
in the previous section. For synchronous memories, a clock signal is used in con-
junction with the decoder to activate a row only when read-write operations are
being performed. At other times, all wordlines are kept low, When one wordline goes
high, say wi3 in Figure 8.9, all the cells in that row are selected. The access transistors
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are all turned on and a read or write operation is performed. Cells in other rows are
effectively disconnected from their respective wordlines.

The wordline has a large capacitance, C_ .4, that must be driven by the decoder.
it is comprised of two gate capacitances per cell and the wire capacitance per cell:

Cuore = (2 X gate cap + wire cap) X no. of cells in row (8.1}

Once the cells along the wordline are enabled, read or write operations are carried
out. For a read operation, only one side of the cell draws current. As a result, a small
differential voltage develops between b and b on all column lines. The column
address decoder and multiplexer select the column lines to be accessed. The bitlines
will experience a voltage difference as the selected cells discharge one of the two bit-
Lines. This difference is amplified and sent to output buffess.

It should be noted that the bitlines also have a very large capacitance due to the
large number of cells connected to them. This is primarily due to source/drain
capacitance, but also has components due to wire capacitance and drain/source
contacts. Typically, a contact is shared between two cells. The total bitline capaci-
tance, G, can be computed as follows:

Chie = (source/drain cap + wire cap + contact cap) X no. of cells in column
(8.2)

During a write operation, one of the bitlines is pulled low if we want to store g,
while the other one is pulled low if we want to store 1. The requirement for a suc-
cessful write operation is to swing the inteznal voltage of the cell past the switching
threshold of the corresponding inverter. Once the cell has flipped to the other state,
the wordline can be reset back to its low value,

The design of the cell involves the selection of transistor sizes for all six transis-
tors of Figure 8.8 to guarantee proper read and write operations. Since the cell is
symmetric, only three transistor sizes need to be specified, cither M, M,, and M; or
M,, M,, and M;. The goal is to select the sizes that minimize the area, deliver the
required performance, obtain good read and write stability, provide good cell read
current, and have good soft error immunity {(especially due to e-particies}.

8.3.2 Read Operation

We now describe the design details of the 6T RAM cell for the read operation using
Figure 8.10. Assume that 2 “0” is stored on the left side of the cell, and 2 “1” on the
right side. Therefore, M, is on and M, is off. Initially, b and b are precharged to a
high voltage around Vjp, by a pair of column pull-up transistors (not shown). The
row selection line, held fow in the standby state, is raised to Vpj, which turns on
access transistors M, and M,. Current begins to flow through M, and M, to ground,
as shown in Figure 8 10a. The resuiting cell current slowly dlscharges the capac:z-
tance G;,. Meanwhile, on the other side of the cell, the voltage on b remains high since
there is no path to ground through M,. The difference between b and b is fed to a
senise amplifier to generate a valid low output, which is then stored in a data buffer.
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Figure 8.10
Dasign of transistor sizes for read operation.

Upon completion of the read cycle, the wordline is returned to zero and the column
lines can be precharged back to a high value. .

‘When designing the transistor sizes for read stability, we must ensure that the
stored values are not disturbed during the read cycle, The problem is that, as cur-
rent flows through M, and M,, it raises the output voltage at node g which could
turn on M, and bring down the voltage at node g, as shown in Figure 8.10b. The
voltage at node g may drop a little but it should not fall below V. To avoid zaltering
the state of the cell when reading, we must control the voltage at node g by sizing
M, and M, appropriately. We can accomplish this by making the conductance of M,
about 3 to 4 times that of M, so that the drain voltage of M, does notrise above V.
In theory, the voltage should not exceed Vi, but this design must be carried out with
due consideration of process variations and noise. In effect, the read stability
requirement establishes the ratio between the two devices.

The other consideration in the read cycle design is to provide enough cell cur-
rent to discharge the bitline sufficiently within 20 to 30% of the cycle time. Since the
cell current, I, is very small and the bitline capacitance is large, the voltage will
drop very slowly at &, as shown in Figure 8.10b. The rate of change of the bitline can
be approximated as follows:
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dv

=2t

L bit 3
A
Cdt Gy

Clearly, I, controls the rate at which the bitline discharges. If we want a rapid full-
swing discharge, we can make I,y large. However, the transistors M, and M; would
have to be larger. Since we have millions of such cells, the area and power of the
memory would be correspondingly larger. Instead, we choose a different approach.
We attach a sense amplifier to the bitlines to detect the small difference, AY,
between & and band produce a full-swing logic high or low value at the output. The
trigger point relative to the rising edge of the wordline, Ar, for the enabling of the
sense amplifier can be chosen by the designer based on the response characteristics
of the amplifier. If the voltage swing AV and a target delay A7 are specified accord-
ing to Figure 8.10b, then

CbitA |4
ICE“ = .&T

This leads to the cell current value which, in turn, determines the final transistor
sizes for M, and M, Alternatively, if the transistor sizes are determined to optimize
the cell area, then the corresponding delay is computed as

_ GuAV
Icell

AT

We now establish a rule of thumb for transistor sizes for the read cycle using an
example.

Read Cycle Design Guidelines
Problem:

Compute the widths of A, and M, in Figure 8.10 given that the circuit can only tol-
erate a rise In voltage of 0.1 V at node g during the read operation. Assume that
G, = 2 pF and that the specification calls for a 200 mV transition of the bitline in
2ns. Use 0.13 um technology parameters.

Solution:

When the wordline, wi, goes high, M; is a saturated enhancement foad for the M,
driver. The driver transistor is expected to be in the linear region of operation.
Therefore, we can write the following equation:
% P"nC&x [{V . }V _ ?f_é _ W?.vsatcox{vﬂD - Vt} - VB}Z
Ly (1 n vy ) e TR g (Vop — Vg — Via) + Egds
ECNL?
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We first eliminate C,, from both sides of the equation. Now, setting ¥, = 0.1 ¥ and
ignoring body effect, we obtain

(270 cm’ )
w. V— 0.1
! e [(z.z —04)01 — ——
0.1 pm ( 0.1) ] 2
14+ —
0.6
_ Wy(8 X 10° em/s)(1.2 — 0.1 — 04)°
- (12 — 0.1 — 04} + 06
w,
Lt = 17
Ws

This ratic would be smaller if body effect were taken into account. The actual val-
ues of the widths depend on the desired rate of change of the bitline voltage, the
delay specification, and cell current. If we require a bitline transition of 200 mV in
2 ns, with a total bitline capacitance of 2 pF, then the cell current is

AV 200 mv
fag=C, X—=2pF X
cell Cb;: A p 7 ns

= Z00 A

This is the average cell current through M, and M,. As a rough estimate, we could
simply use the current through the access transistor when it turns on:
Wi(8 X 10°)(1.6pF/cm?1(1.2 — 0.1 — 0.4)?

~ = 200 uA
el (12— 01 - 04) + 06 H

LW, =04 um

This implies that W, =0.7 gm. These two sizes are larger than we would desire ifwe
were trying to create a 1 Mbit SRAM. However, this example is intended to show
the steps in the design process.

m
In practice, the device sizes are controlled by the RAM cell area constraints. Asarule
of thumb, we typically use

— = 15 (8.3)

3

and then optimize the sizes to provide the proper noise margin characteristics.

8.3.3 Write Operation

The operation of writing 0 or 1 is accomplished by forcing one bitline, either bor b,
Iow while the other bitline remains at about V. In Figure 8.11, to write 1, b is
forced low, and to write 0, & is forced low. The conditions when writing 1 are illus-
trated in Figure 8.11a. The cell must be designed such that the conductance of M,
is several times larger than M, so that the drain of M, is pulled below V. This ini-
tiates a regenerative effect between the two inverters. Eventually, M, turns off and
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Voo

b}

Figure 8.11
Write operation and waveforms for 6T SRAM.

its drain voltage rises to V), due to the pull-up action of M. and M,. At the same
time, M, turns on and assists M, in pulling output 7 to its intended low value. When
the cell finally flips to the new state, the row line can be returned to its low standby
level,

The design of the SRAM cell for a proper write operation involves the transis-
tor pair Mg-M,. As shown in Figure 8.11a, when the cell is first turned on for the
write operation, they form a pseudo-NMOS inverter, Current flows through the two
devices and lowers the voltage at node 7 from its starting value of ¥, The design
of device sizes is based on pulling node g below V; to force the cell to switch via the
regenerative action. This switching process is shown in Figure 8.11b. Note that the
bitline b is pulled low before the wordline goes up. This is to reduce the overall delay
since the bitline will take some time to discharge due to its high capacitance.

The pull-up to pull-down ratio for the pseudo-NMOS inverter can be deter-
mined by writing the current equation for the two devices and setting the output to
Vs To be conservative, a value much lower than ¥ should be used to ensure proper
operation in the presence of noise and process variations. Based on this analysis, a
rule of thumb is established for MM, sizing;

—2 =15 (8.4)
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The two ratios provided in Equations (8.3} and (8.4} are only estimates. One should
remember that the actual values will depend on a number of factors such as area,
speed, and power considerations. However, these two rules of thumb can be used to
validate the solution, once cbtained.

; Exercise 8.1 Compute the ratio of M, to M, for the dircuit In Figure 8.11 assuming that the
P node § is to be pulled down to V,,, which is well below the switching threshold.

8.3.4 SRAM Cell Layout

Once the cell transistors are designed, the next step Is to construct a cell layout. A
typical layout for a CMOS static cell is shown in Figure 8.12. Every effort is made to
minimize the area of the memory cell, Extensive use is made of symmetry to allow
the core arzay to be generated by simply “tiling” the cells together vertically and hor-
izontaily, Two levels of metal and one layer of poly are used to realize this memory
cell. If we examine the layout carefully, we should be able to identify a total of six
transistors.

Starting at the top, we have the two p-channel devices, M; and M, laid cut hor-
izontally. In the middle of the cell, we have A4; and M,, which are the two pull-down
transistors laid out horizontally. Finally, near the bottom of the cell are the two
access transistors, M, and M,, laid out vertically. The bitlines, b and b, are routed in
Metal2 vertically, while the wordline is horizontally routed in both poly and Metall

Figure 8.12
SRAM celt layout.
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near the bottom of the cell. ¥, is routed in Metall &t the top of the cell while Gnd
is routed in Metall near the middle of the cell. The source/drain contacts are shared
between pairs of neighboring cells by mirroring the cell vertically. The capacitance
of the contacts per cell is therefore half the actual value due to sharing, The cell indi-
cated by the center bounding box is replicated to create the core array. This cell is
approximately 404 by 304, Note that the substrate and well contacts are contained
inside the cell. Removal of substrate and well plugs from the cell would resultina
smaller cell. '

The large number of devices connected to the wordline and bitlines gives rise
to large capacitance {and resistance) values as described earlier. The row lines are
routed in both Metall and poly to reduce resistance, while the bitlines are routed in
Metal2, Calculations of total capacitance may be carried out using Equations (8.1)
and (8.2).

Capacitance Calculations for the Wordline and Bitlines
Problem:

What is the capacitance of the wordline and the bitlines for a 64K SRAM that uses
the cell layout of Figure 8.12 with access transistors that are 0.5 um/0.1 um in size?
The contacts on the bitlines are shared between pairs of cells and have a capaci-
tance of 0.5 fF each. Wire capacitance is 0.2 fF/um. Assume 0,13 um technology
parameters. The cell layout is 404 by 304, Note that Tam = 204,

Solution:

If we were to design a 64K SRAM, it would contain a core area of 256 X 256.
lgnoring the resistance for the moment, the row capacitance would be due to the
gate capacitance of 512 access transistars and the wire capacitance of 256 cells:

G

W

= 312 X 2fF/um X .5 am + 256 X 304 X 0.2 fF/pm X 1 um/20A
= 589

The bitline capacitance per cell due to the source/drain capacitance of the access
transistors is lower than usual since the voltage drop across the junction is close to
Vnp. In addition, there is wire capacitance and a half contact capaditance per cell.
The total is

Gy = 256 X 0.5 fF/pm X 0.5 um + 256 X 404 X 0.2 fF/um X 0.1 pm/2A
+ 128 X 0.5 fF = 230 F

8.4 SRAM Column 1/O Circuitry

In this section, we examine the column input/output (I/0) circuitry, which includes
bitline precharge circuits, column maultiplexers, write circuits, and read circuits. The
column IO must be designed with due consideration of the cell design and the tim-
ing specifications of the memorv.

Example 8.3
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8.4.1 Column Pull-Ups

In both read and write operations, the bitlines are initially pulled up to a high volt-
age near Vpp,. The circuits used to precharge the bitlines depend on the type of sens-
ing that is used in the read operation. Figure 8.13 illustrates three possible precharge
configurations. In Figure 8.13a, the precharge is similar to the dynamic logic
precharge described earlier in Chapter 7. A precharge signal, PC, is applied to the
two pull-ups and to a third transistor, called the balance transistor, connected between
the two bitlines to equalize their voltage levels. When the wordline {wi) signal goes
high, one bitline remains high and the other falls at a linear rate until wi goes low.
The difference between the bitlines is fed into a voltage-sensing latch-based ampli-
fier that is triggered when the differential voltage exceeds a certain threshold.

The precharge circuit of Figure 8.13b is reminiscent of the pseudo-NMOS cir-
cuits. Two static loads and a balance transistor form the precharge circuit. When PC
is applied to the balance transistor, it simply equalizes the two voliage levels. Once
the bitlines are precharged, the PC signal is turned off (raised to Vjp) and, at this
point, the wordline can be activated. Of course, the pull-ups are still on so current
will flow through one of them and into the cell side with the stored “0.” Bventually,
a steady-state output level will be reached by the bitline, as shown in the figure. This
type of pull-up is suitable for current-sensing amplifiers since there is continuous

PC PC PC
Important to T‘JLT ‘l‘
,_Ef et}:;%ze E?i&ine E——Iz
I~ voltage before ™
reads |
wl wi wi I—HCCH
b ) b P B b
b5 b5 l
wl TAV

5% F——F— Yoo
PEU\ PC PC f f _t_ Vop— Vi
wi wi Av
(&) b (e}

Figure 8.13
Column pull-up configurations.
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current flow, or latch-based voltage-sensing amplifiers since the bitlines will estab-
lish a differential voltage, Av,

Figure 8.13c is based on the NMOS saturated enhancement load. Therefore, the
maximum possible voltage on the bitline is V5, — V5, When PC is applied to the
balance transistor, it equalizes the two voltage levels. Once the lines are precharged
high, the PC signal is turned off (raised to V|;;,) and then wl goes high. At this point,
the pull-ups are still active so current will flow through one of them into the cell
side with the stored “0.” Again, a steady-state output level will be reached by the cor-
responding bitline, as shown in the figure, although this value will be Jower than the
pseudo-NMOS case. This type of pull-up is suitable for differential voltage sensing
amplifiers since the bitline voltages initially start at Vy,, — V. This lower voltage
is needed for a proper biasing and output swing of the differential amplifier, as will
be described later.

The PC signal may be generated in a variety of ways, but typically it is produced
by an address transition detection {ATD) circuit. One form of this circuit is shown in
Figure 8.14. The ATD signal is triggered by any transition on the address inputs. The
basic circuit is comprised of a set of XOR gates, each with 2 delay element on one of
the inputs. When an address line changes, it causes the XOR gate to generate a short
pulse since the inputs differ in value for a short time. Circuits that generate a short
pulse of this nature are called one-shots, which are part of the monostable family of cir-
cuits. The duration of the pulse, 7, is determined by the delay element. The delay line
may be constructed from a simple inverter chain with an even number of inverters. In
the figure, Nis an even number and 7p;, is the inverter propagation delay.

S JwLo

[

Ay elay D Iq |
A ‘y—m—)D

/L/
Tp= Npige

i

Figure 8.14
Address transition detection {ATD} clrcuit,
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Once the pulse is generated, it turns on one of the pull-down transistors of the
psendo-NMOS NOR gate. A negative going pulse is generated at its output. This is
passed through another inverter to generate the actual ATD signal. Many of the tim-
ing signals in SRAM:s are derived from this basic circuit so it is required to drive a
very high capacitance. Therefore, the signal should be properly buffered using logi-
cal effort or any other optimization method, Once generated, it can be inverted and
applied to the bitline precharge elements as the PC signal. The address transitions
usually take place before the beginning of a clock cycle and, as a result, the precharge
operation typically occurs at the end of a previous memory cycle.

8.4.2 Column Selection

Once all the columns have been pulled up to a high voltage, the next step is to select
the column(s) that will be involved in the read or write operation. This column
selection is performed using a decoder/multiplexer combination. The m-bit column
address is used to select one or more of the 2™ columns. This can be performed
using a decoder, similar to the row decoder, driving a number of CMOS pass tran-
sistors as shown in Figure 8.15. The pass transistors require complementary signals.
Of course, if an 8-bit output is desired, then the decoder outputs would each drive
eight CMOS transmission gates, and fewer column address bits would be needed.

P r I P £
I I I i
— Call H =1 Cell 1 — Cell = Cell
I i I i
— Cell =1 Celi I+ — Cell - Cell H
1 l"’ﬁ, 5_1;;
2 [y 4
4 =l ,_?" P
i Column LLIJ Lx"I'I
decoder |3 Ty [
s =

Figure 8.15
Column decoding and multiplexing.
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Column selaction.

The optimal design of the column decoder proceeds in the same way as described
earlier for the row decoder. The transmission gates driven by the decoder are also
sized for optimal speed. They are connected ro the sense amplifier for read opera-
tions and the write driver for write operations. This is shown in Figure 8.16a. Note
that the use of the CMOS transmission gate presents a routing problem since each
of the signals driving the pass transistors must be complementary {we are driving
both PMOS and NMOQOS devices).

The routing can be simplified by realizing that the PMOS device is better at
transmitting high signals while the NMOS device is better at transmitting low signals.
Since the bitlines are near V, during a read, we should turn on the PMOS device
during a read operation and leave the NMOS device off. During a write, one bitline is
pulied to a low voltage. Therefore, we leave the PMOS device off and only turn on the
NMOS device. It is possible to separate the NMOS and PMOS devices and only turn
them on when needed. This is shown in Figure 8.16b. The NMOS devices are only
connected to the write drivers while the PMOS devices are only connected to the sense
amptifiers since they would be turned on during a read operation.

Now that the lines have been separated, there is one other improvement we can
consider. Rather than a single level of multiplexing, it is possible to reduce the over-
ali transistor count by using a tree decoding structure as shown in Figure 8.17. In
this example, we have a 4-bit column address which would normally translate to 16
enable lines. Instead, we use two 2-to-4 decoders that select 1-out-of-4 pass transis-
tors at each level. As we add more levels in the tree, the signal path is slower but the
decoder size is reduced. For this example, we have shown two-level tree decoding
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Figure 8.17
Two-level tree decoder for 2 4-bit column address.

with exclusively NMOS pass transistors. We would need a corresponding set of
PMOS transistors in a similar tree configuration. The tree decoding strategy requires
less power but may be slower as more and more levels are added. These circuits
should be designed based on the timing and power specifications for the memory.

8.43 Write Circuitry

Simplified write circuitry for the SRAM is shown in Figure 8.18. The operation is as
follows. First, the columns are precharged to Vp, using M, and M;. Next, the
address and data signals are set up and held stable for a required amount of time
before the clock is applied. The address signals are converted into column select and
wordline activation signals. Before the wordline is enabled, the data and write sig-
nals are applied to pull one column to ground while leaving the other side at Vi,
This is done by ANDing the input data with the write signal. The pull-down tran-
sistors, M,;, M,,, and M. in this case, are sized to discharge the column line in a
specified amount of time, When the wordline goes high, current flows out of the cell
and flips the sense of the cell. As described earlier, the internal cell voltage must be
pulled below the switching threshold to enable the cell to flip state. Once it has
switched, the wordline and column select lines may be returned to their standby
values.

8.4.4 Read Circuitry

The read circuitry is activated when the wordline goes high. The cell transistors
draw current from the highly capacitive column during a read operation. Therefore,
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Figure 8.18
Write driver circuit

the bitlines slowly drop in voltage and could potentially cause long access times. To
reduce read access time, the memory is designed so that only a small voltage change
on one column line or the other is needed to detect the stored value. Two or more
amplifying stages are used to generate z valid logic output when the voltage differ-
ence between b and & is about 150-200 mV. Thus the column delay is only due to
the time needed to achieve this small voltage change.

Figure 8.19 shows a simplified version of the read circuitry for a CMOS static
memory. One of the precharge circuits of Figure 8.13 is used to pull the column
lines high. In this case, the columns are biased at Vy,, by transistors M, M. Then,
the address, data {not used during read}, and clock signals are applied. Again, the
address signals translate into column enable and wordline activation signals. Usu-
ally the column selection and sense enable are activated at the same time. The sense
amplifier depicted in Figure 8.19 is used to provide valid high and low outputs using
the small voltage difference between inputs b and &. The precharge circuit must be
consistent with the sense amplifier circuit. Otherwise, the sense amplifier may not
operate properly.
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Figure 8.19
Basic read circuitry,

Figure 8.20 provides an example of a sense amplifier in the form of a conven-
tional CMOS differential amplifier. Typically, SRAMs may use eight identical sense
amplifiers to provide simuitaneous output of eight data bits. When using these
types of sense amplifiers, the column pull-up transistors must be saturated
enhancement loads (shown at the top of Figure 8.13¢). Otherwise, the inputs would
start at Vj,, which would make it difficult to bias M, and M properly for the desired
output swing at node out.

The main reason for using this type of sense amplifier is to improve the noise
immunity and speed of the read circuit. Since the voltage swing on the bitlines is
limited due to the large capacitances, any noise on these lines may cause an error in
the reading process. In fact, any noise that is common to b and b should not be
amplified. We are only interested in the differential signal changes between the two
bitlines. The sense amplifier shown in Figure 8.20 attenuates common-mode noise
and amplifies differentiai-mode signals. The detailed operation of this circuit
involves the concepts of analog circuit design. However, since we are using it for

4 These are cailed sense amiplifiers when used in memory applications; their sole is to sense which bitline is
drepping in voitage, Normally, such a circnit is used for smail-signal voltage gain rather than large-signal sens-
ing applications.
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Figure 8.20
Differential voitage sense ampiifiar,

large-signal applications, we can study its properties from a more digital point of
view.

The circuit can be divided into three components: the current mirror, common-
source amplifier, and the biasing current source. All transistors are initially placed
in the saturation region of operation so that the gain is large. They also use large val-
ues of channel length, L, to improve linearity.

The two transistors, M, and M,, act to provide the same current to the two
branches of the circuit. That is, the current flowing through M, is mirrored in M

L=k

Any difference in the two currents is due to differences in their Vg values. The tran-
sistor M sets the bias current, Iy, which depends on the bias voltage V. At steady-
state, the current flowing through the two branches of the amplifier should be equal
o .{ss! Z.

The twe input transistors, M, and M,, form a source-coupled differential pair,
The two input voltages, V; and V), are connected to the column lines. The biasing
of the circuit must be done carefully to allow the output node to have a large enough
swing. Specifically, the transistors must be or and in the saturation region of oper-
ation for high gain. In order to accomplish this, the inputs to M, and M, must be
set to approximately Vi, — Vi, rather than V. To understand this, consider the
case when the inputs are precharged to V. To keep the input devices in saturation,
their two drain nodes, N1 and out, would be biased at the saturation voltage:

(Voo — Vin)Ecnkn
(VDD - VTN) + EC,‘NLN

Ve = Vo = = (?DD - VTN)

The above simplification is possible since the channel lengths are large.
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A problem arises if the two nodes, N1 and ou, are biased at this value: both p-
channel devices would be at the edge of cutoff. In practice, the PMOS threshold
voltage is higher in magnitude than the NMOS threshold voltage. Therefore, both
M, and M, would be completely off in the steady-state condition. Instead, if we
biased the inputs of M, and M, at Vpp — Vi, then

Vi = Vou = (Vop — Vo) — Vo = Vpp — 2Vgy

Now there is enough headroom for the two PMOS devices to be comfortably on and
in saturation. This input bias condition requires the use of the column pull-up cir-
cuits of Figure 8.13c.

With the biasing established, the sense amplifier operates as follows. Initially,
the bias currents in the two branches are equal and the two inputs are at Vi, — Vi
When the voltage at one input decreases, it decreases the current in that branch. At
the same time, the current in the other branch increases in value to maintain a total
of Iy through M..

We examine the discharging and charging cases in Figure 8.21. Assume that M,
is the input that has dropped below Vi, — Vi by the prescribed amount to turn it
off, as in Figure 8.21a. This implies that the currents in M, and M, are both zero.
However, since the current in M; is I, it follows that this current must be dis-
charging the output capacitance through M,. Therefore, the output voltage is
quickly forced to ground. In the other scenario depicted in Figure 8.21b, if the input
V;, drops by the prescribed amount, M, is turned off. Then all the current flows
through M;, M;, and M.. The current of M, is mirrored in M,. Since the current in
M, is zero, this current must flow to the output to charge it to V.

{2} Discharging output {b) Charging owuput

Figure 8.21
Detacting *0"and "1” using a differential sense amplifier.
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This type of differential amplifier is used in high-speed applications. The required
differential voltage for proper operation is of the order of 100 mV to 200 mV. Its speed
can be adjusted depending on how much power dissipation can be tolerated. Con-
sider modeling the output transition as a current source driving a capacitor. The rate
of change of the output, whether switching high or low, is given by

av _ Iy
at G

This is called the slew rate (i.e., dV/dt at the output). Rearranging, the delay through
the sense amplifier is

ﬁ‘T — C{}Lﬁ A VDH(

Iss

To reduce the delay, a large Igg can be selected. However, the power dissipation in
steady-state is given by

P= ISSVDD

Therefore, a tradeoff exists between the speed and the power dissipation; both are
controlled by the choice of Ig. Once a suitable value of I is selected, the W/L of
the devices can be determined. For the input devices, the W/L determines the
Vs — Vo value, This value is the gate overdrive term that establishes the desired
bitline swing value. As the input transistor sizes increase, the gate overdrive term
decreases. Since we require a small gate overdrive, the input devices are required to
be rather large. The sizes of the other transistors are based on the bias voltages
needed at the internal nodes. The complete design of such amplifier circuits falls
into the realm of analog circuit design. Further details can be obtained by consuit-
ing the references at the end of the chapter.

A second option for the sense amplifier is the latch-based circuit shown in Fig-
ure 8.22. The circuit is effectively a cross-coupled pair of inverters with an enabling
transistor, #,. This circuit relies on the (slower} regenerative effect of inverters to
generate a valid high or low voltage. It is a lower power option since the circuit is
not activated until the required potential difference has developed across the bit-
lines. However, it is slower since it requires a large input voltage difference and is not
as reliable in the presence of noise as the previous sense amplifier.

The initial sequence of operations is similar to the differential sense amplifier
described above. The bitlines are precharged to Vj; with either Figure 8.13a or Fig-
ure 8.13b. Then the wordline is enabled and one of the bitlines drops in voltage. As
the bitline differential voltage reaches the prescribed amount, the sense enable is acti-
vated. The timing of the sense enable is critical as described later. For now, assume
that it arrives at the proper time. At this point, the bitline difference is fed into the
cross-coupled inverters. One side drops in voltage faster than the other side, since

.one side will always have more gate overdrive than the other. When the voltage drops

below Vi, on one side, it turns off the pull-down transistor of the opposite side, and
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Figure 8.22
Latch-based sense ampiifier,

the pull-up transistor acts to raise the voltage to V. This regenerative process is
shown in the timing diagram of Figure 8.22. The device sizing follows previously dis-
cussed methods for flip-flops.

The more important issue is the timing of the SenseEnable signal. If the latch is
enabled too early, the latch may not flip in the proper direction due to noise. If itis
enabled too late, then it will add unnecessary delay to the access time. In addition,
process variations will control the actual timing of the signal. In order to guarantee
that the signal will arrive at the proper time in the presence of process variations,
one needs to introduce a replica circuit that mimics the delay of the actual signal
path, shown in Figure 8.23, Here, the upper path emanating from the clock is the
actual signal path to the bitlines. The SenseEnable should arrive as soon as the bit-
line swing reaches the desired value. By creating a second path (the lower path) that
exhibits the same delay characteristics, we can ensure that the SenseEnable arrives
at the correct time.

297



—

SEMICONDUCTOR MEMGRY DESIGN

b &
O
O
Becoder
e
i 1 . Cell
Address : E Wordline _ﬂ-
! i
i ]
| Predecoder Final decoder | .
"""""""""""""""""""""""" * Bitlines
N O {small swing)
Clock
______________________ . O
Cell i
replica 1 SeaseEmable Y Sense amp
1
1
Bitline —  beommmo oo ]
replica Decoder replica
(fuil swing})
Figure 8.23

Replica circuit for sense ampiifier clock erable.

The critical path for the read cycle starts from the clock and the address inputs
and terminates at the sense amplifier inputs. The signal flows through the decoder and
generates the wordline, which activates the memory cell that drives the bitlines. The
swing on the bitlines is presented to the sense amplifier. This is the point at which we
wish to enable the sense amplifier. The purpose of a replica circuit is to duplicate the
delays along this path with circuits that correspond to each delay element. Essentially,
we want to have a decoder replica that tracks the gate delays in the real deceder, and
a cell replica that tracks the bitline discharge delay of the actual bit cell.

Note that we have placed the memory cell replica before the decoder in Figure
8.23. It is not appropriate to place the memory cell after the decoders in the replica
path since it would have to drive all the sense amplifiers at the bottom of the mem-
ory. Since a small memory cell does not have the needed drive capability, we place
the replica cell ahead of the decoder. We can keep the memory small and still deliver
a full-swing signal as needed by the input to the decoder replica. The buffers of the
decoder replica can be used to drive the sense amplifiers.

One issue for the replica memory cell in this configuration is that we require
the full-swing output to have the same delay as the small swing on the actual bit-
lines. For example, if the actual cell requires 500 ps to transition by 180 mYV, then the
replica memory cell would require approximately 5 ns to transition by 1.8 V. This is
not an acceptable delay in the replica path.

The replica cell should, in fact, be a replica column kine with only enough cells
to match the timing of the actual column. This is shown in Figure 8.24. For example,
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if we have 256 Dbits in the true bitline with 2 swing of 180 mV, then we only require
roughly 26 cells in the replica circuit to preduce a full swing of 1.8 V in the same time
interval. The slight round off error in the number of cells used is not an issue since
we will ensure that the replica path is slightly longer than the actual path delay. With
the full swing from the replica path cells, we can drive the decoder replica gates. The
nieeded 26 bits can be cut from a section of additional columns that are always fab-
ricated alongside the main memory array to avoid “edge effects” on each end.

To ensure that the SenseEnable does not arrive too early for any reason, we
should add an extra gate delay or two to the decoder replica. Designed in this man-
ner, the SenseEnable will arrive at the proper time in the presence of process and
environmental variations.

8.5 Memory Architecture

The overall memory archifecture can now be described. In Figure 8.25, we illustrate
a high-level layout of the memory array. The core array containing the cells is the
iargest block. The bitline precharge circuits are positioned above the core. The row
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Basic memory architecture.

decoder is placed on the right side and the column multipiexer and bit /O are
located below the core array. If we zoom in on a corner region of the memory, as
shown in the right-hand side of Figure 8.25, we see that the row decoder is comprised
of a predecoder and a final decoder. The decoder drives the wordlines horizontally
across the array. Each pair of bitlines feeds a 2:1 column decoder (in this case) which
is connected to the bitline I/0 circuits such as sense amplifier and write drivers. Each
memory cell is mirrored vertically and horizontally to form the array, as indicated in

the figure.

Several factors contribute to a limit on the maximum speed of operation. Delays
in address buffers and decoders naturally increase as the number of inputs and out-
puts increase. Row lines are typically formed in polysilicon and may have substantial
delays due to distributed RC parameters. A metal line may be placed in parallel and
contacted to the poly line to reduce the delay {cf., Figure 8.12). Column lines are usu-
ally formed in metal, so resistance is not as significant, but the combined capacitance
of the line and many paralle] access transistors connected to them results in a large
equivalent lurmped capacitance on each of these lines. The large capacitances on the

wordline and bitlines also contribute to excess power dissipation.

In order to reduce delay and power, a number of different partitioning
approaches have been used. One technique is the divided wordline (DWL) strategy
shown in Figure 8.26 for a 64K bit SRAM, Part of the 8 row address bits (6 in this
case} are used to define global wordlines. A total of 64 global wordlines are created.
These lines do not drive memory cells (i.e., the two access transistors within each
cell} and therefore have far less capacitance than the regular wordlines. The remain-
ing 2 bits of the address are used to generate local wordlines that actually drive the

Address
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Divided wordline strategy to reduce power and delay.

cell access transistors. In this example, four blocks are created and accessed using the
local wordlines. The total cell capacitance is reduced by up to a factor of 4. Therefore,
the power will be reduced greatly. In addition, the delay along the wordlines is also
reduced.

A similar partitioning strategy can be applied to the bitlines, as shown in Fig-
ure 8.27. An architecture without partitioning is shown in Figure 8.27a. For this
case, neighboring pairs of bitlines are multiplexed to produce 128 outputs (ie,
there are 128 sense amplifiers in this example). If the bitlines are partitioned into
two sections, the bitline capacitance is reduced by a factor of 2. The proper cell must
be selected using a two-level multiplexing scheme of Figure 8.27b. To achieve the
same bitline swing as in Figure 8.27a would only require roughly half the time. Fur-
ther partitioning can be carried out with a corresponding increase in the complex-
ity of multiplexing.

301



SEMICONDUCTOR MEMGRY DESIGN 393

N - 255 236
N 255 256 Ji?g
% g é)—::n o ér—bf
2 “ e 256 %
g £ T
=3
= lizs
— - —
Sense Global
amps bitlines
(&} Sihgle-levet MUX {b} Two-level BILIX
Figure 8.27

Bithine partiticning to reduce defay,

8.6 Summary

This chapter has focused on the application of material in previous chapters to the
design of an SRAM. Modern memories are, of course, much more complicated but
mast of them can be understood with the basic concepts that have been presented
in this chapter. Since memory is very regular in nature, the design process has
reached a point where it can be implemented in software, Today, there are CAD
tools called memory compilers that can generate a memory design within minutes.
While the sizes of the memories that can be generated are still limited to some
degree, the automatic synthesis approach for memories will be used more fre-
quently in the future. This concludes the discussion on SRAM circuits, Other types
of memory circuits are described in Chapter 9.

REFERENCES

1. B. Prince, Emerging Memories: Technologies and Trends, Kluwer Academic Publishers,
Boston, MA, 2002,

2. K Iwoh, VLST Memery Chip Design, Springer-Verlag, Heidelberg, 2001.

3. ] Rabaey, A. Chandrakasan, and B. Nikolic, Digital Integrated Circuits: A Designer Per-
spective, Second Edition, Prentice-Hall, Upper Saddle River, NJ, 2003.

4. 5. M.Kangand Y. Leblebici, CMOS Digital Integrated Circuits, Analysis and Design, Third
Edition, McGraw-Hill, New York, 2003,

5. H.Veendrick, Deep-Submicron CMOS ICs, Second Edition, Kluwer Academic Publishers,
Boston, MA, 2000

302



394 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUTTS

6. 1. P. Uyemura, CMOS Lagic Circyit Design, Kluwer Academic Publishers, Boston, M4,
1999,

7. Behrad Razavi, Design of Analog CMOS Integrated Circuits, McGraw-Hill, New York,
2001,

PROBLEMS

P8.1.

P8.2.

P3.3.

Ps.4.

P3.5.

P8.6.

P3.7.

What are the main differences between the ROM, SRAM, DRAM,
EPROM, F2PROM, and Flash? Which is the most popular memory for
embedded applications (i.e., on the same chip as the processor logic
blacks}? Describe suitable applications for each one.

Draw the circuit equivalent for the 6T SRAM of Figure 8.12. Estimate
the height and width of the cell. Assume that contacts are 4 by 4A.

Implement an 8-bit decoder using NAND2, NAND3, and NAND4 logic
gates and inverters, following a two-level decoding scheme. You do not
have to design the sizes of the transistors. Why is a two-level scheme pre-
ferred over a multilevel scheme? What is the branching effers of the
decoder from input to output {see Chapter 6 for the definition of this
term)?

Consider the SRAM cell of Figure 8.8 with a stored 0 on the left side and
a stored 1 on the right side. Design the transistors of the SRAM such that
node g does nat exceed Vy during a Téad operation and node 4 drops
below V; during a write operation. The desired cell current during 2
read operation is 300 pA. Use 0.18 pm technology parameters.

Redesign the SRAM cell of the previous problem by assuming worst-
case conditions for a read operation as follows: the threshold voltage of
M, is reduced by 10%, the width M; is increased by 10%, the threshold
voltage of M, is decreased by 10%, and the width of M, is increased by
10%. Explair why this is considered to be worst case for a read opera-
tion. Sirnulate the circuit in SPICE to demonstrate its operation under
worst-case conditions.

Redesign the SRAM cell of the previous preblem by assuming worst-
case conditions for a write operation as follows: the threshold voltage of
M, is increased by 10%, the width M, is decreased by 1%, the thresh-
cld voltage of M, is decreased by 10%, and the width of M| is increased
by 10%. Explain why this is considered to be worst-case for the write
operation. Simulate the circuit in SPICE to demonstrate its operation
under worst-case conditions.

Consider the 6T SRAM cell of Figure 8.8. Replace M; and M; by poly
resistors that are 100 M£} in value. Explain how this new 4T cell works
for read and write operations. How does the internal node get pulled to
a high value? Is the new cell static or dynamic?
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P8.8. Tor the sense amplifier shown in Figure 8.20, answer the following ques-
tions using 0.18 um technology parameters:

{a) If the sense amplifier is driving a load of 50 fF in 500 ps, what is the
required value of I ¢

{b) In order to turn off the input transistors with a bitline swing of
160 mV, what values of W/L are needed?

{c) Which of the three column pull-up configurations of Figure 8.13
would be used with this sense amplifier? What is the initial voltage
at the inputs to the sense amp?

(d) Given the size of the input transistors, what is the steady-state volt-
age at the gate node and the resulting size of M.?

{e) Choose the sizes of M, and M, to establish a suitable steady-state
oufput voltage.

DESIGN PROBLEM 1: Decoder Design
in 0.18 um Technology

Your task is to create a decoder for a small memory shown in Figure D8.1. The
memory consists of 1K words, each containing €4 bits, arranged as a 256 % 256
array of 6T SRAM cells. A word is selected for reading by the row and column
decoders. The row decoder asserts one of the 256 wordlines. Each Metal2 wordline
selects a row of four 64-bit words. Four selected words feed the input of the 4:1
MUX controlled by the outputs of the column decoder.

The SRAM receives a 10-bit address. The inputs to the row decoder are the
upper 8 bits of the address, while the lowest 2 bits of the address feed the column
decoder. Each access transistor in the memory cell is 4A in width. Bach SRAM cell
is 40A X 40A. The diagram in Figure D8.1 illustrates the SRAM array, with a biow-
up of one of the SRAM cells in the forty-second word.

The spec allows a maximum of 5 {F of gate capacitance on any address input.
You can assume that the clock period is 24FO4 delays. Your task is to minimize the
delay from the address becoming stable to the wordline rising. The general topol-
ogy for the decoder is provided in Figure D8.2. Your design goal is to implement an
optimal row decoder that converts 8 address bits into 256 wordlines using logicai
effort.

{a) What is the total load on one wordline? Include both the loading of the
SRAM cells and the capacitance of a Metal2 wordline. Assume a wire capac-
itance of 0.2 fF/gm. You can assume that gate capacitance is 2 fF/um.

{b) Find the total path effort in the address decode path by estimating the
fanout from input {address bit} to output {wordline), the branching factor,
and the logical effort. Estimate the number of stages needed in the optimal
design.
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SRAM layout and timing information,

{c)

(d)

{e)

ity

You can implement the predecoder in either 2 or £ stages as shown in Fig-
ure D8.2. Which of the two approaches is better? Using logical effort,
decide which architecture you are going to use, For both cases, the final
decode stage is a NAND2-INV combination. Ignore any sideload capaci-
tances.

Next choose the correct design for the decoder, and size the gates to opti-
mize performance. What is your estimate of the delay of the decoder in
terms of FO4 delay (include the delay from the parasitics of the gates in
your estimate)?

Now include the sideload at the outputs of the predecoder stage. The side-
load is due to the wire running vertically in Figure D8.2. Compute the
actual sizes when the sideload is included.

Compare the hand-calculated delay against SPICE.
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DESIGN PROBLEM 2: Design of SRAM Cell and Read/Write

Circuitry in 0.18 um Technology

The problem explores cell and /O design issues for a 64K SRAM based on the pre-
vious problem. Since there are 256 columns in the SRAM and 64 bits/word, it
requires 64 sense amplifiers (1 per bit of output} and each one is driven by 1 of 4
possible colummns {one column from each interleaved 64-bit word).

{a) First consider the cell design. Recall that in Design Problem 1, the access
transistor of the SRAM cell was given as 4A. Size the rest of the transistors
to satisfy the following requirements: (1) During a read, the internal volt-
age should not rise above Vi, (2) During a write, the access transistor
must be able to pull the internal node to at least 0.8 V (i.e., well below Vs
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b)

(<)

(d)

(e)

(f)

(g)

of the inverter), and (3) Make the transistors as small as possible. One
assumption you could make is that the bitline is around 0 V during the
write operation. For the read operation, assume that the bitline acts like a
supply voltage at V. Rules of thumb are available for the design but you
may need to adjust these values to make the cell work properly. All transis-
tors should be specified in integer units of A. The minimum channel
length/width is 2A.

Estimate V of the inverters used in the cell. Why is this number important
in the cell design? Use SPICE to verify the dc parameters you calculated.
Provide both V,, for the read operation and V as measured in HSPICE.
Adjust any device sizes as necessary to achieve the design specifications.

Using hand calculations, estimate the current that the cell can draw from
the bitline when the wordline goes high. Use an average between the initial
value and the steady-state value to estimate this current.

Next, calculate the capacitance of the bitline. There are 256 rows of cells
and, from Design Problem 1, each cell is 40A X 40A.The column pull-up
transistors are each 50A. Assume that each contact has a capacitance of 1 {E

Next compute the time required to discharge one of the bitlines by 180 mV.

The last part of the read cycle involves the sense amplifier. The design of
the sense amp has been provided in P8.8 using Figure 8.20. Compute the
discharge time assuming that the bias current is 300 #A and the output
capacitance is 50 fF. Assume a voltage swing at the output of the sense amp
of 09V,

The next step of the design is the write circuit of Figure 8.18. To write the
cell, the bitline has to be driven low enough so that the cell switches. Ide-
ally, the write time should be about the same speed as the read time. If we
work to make it faster, we are wasting our effort because the read will be the
limiting factor. If it is slower than the read, then the write is in the critical
path and that is not desirable either. Using a simple RC model, determine
the effective resistance needed to get the bitlines to swing down to Vjp/5
in the same amount of time it takes to do the read. Size M3, M, and My;
so that they have this effective resistance.

(h) As alast step, we need to set the values of the column pull-up transistors of

&)

Figure 8,18. They need to pull the bitlines up after a write but before the
end of the precharge phase. How big do they need to be? The final differ-
ence of the bitlines should be less than 10% of the desired read swings to
avoid confusing the sense amp. Typically, we make them twice the size of
the pull-down devices for a fast precharge. Size these fransistors accord-

ingly.
Check your results using SPICE.
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L

Interconnect Design

10.1 Introduction

This chapter is devoted to the study of interconnect issues that the IC designer faces
when designing in deep submicron technologies. The relative importance of inter-
connect in deep submicron cannot be overstated. In fact, the topic of interconnect
should actually appear much earlier in the text to stress its importance, but it is
more appropriate at this stage since the discussion of transistor level circuit design
has been completed. Initial coverage of interconnect topics was provided in Chap-
ters 1 and 3. This chapter addresses the issues associated with RLC aspects of wires
in detail. We begin by reexamining the RC delay calculation using the Elmore delay,
and address the issue of buffer insertion in long wires. Then, we examine the capac-
itances associated with 3D interconnect. This topic is rather complex but we pro-
vide a simplified treatment to convey the most important concepts. This leads to a
discussion of the effect of coupling capacitance on delay and noise injection in logic
circuits. The chapter continues with a discussion of inductance effects and con-
cludes with a brief look at antenna effects.

“Interconnect is everything” was an often-used expression starting in the mid-
1990s to characterize the importance of interconnect in deep submicron technologies.
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Figure 10.1
Cross sections of aluminum and copper processes.

While device sizes were shrinking with each technology generation, multilevel metal
structures rose higher and higher above the surface of the silicon and soon began
to dominate the landscape of the integrated circuit. This is illustrated in the cross-
sectional views of 0.18 um aluminum and 0.13 wm copper technologies in Figure
10.1. The number of layers of metal has increased from a few layers in the 1980s, to
four or five layers in the 1990s, to eight or more layers today. The fabrication of
these superstructures required significant advances in integrated circuit processing.
However, the impact on design was even more significant. Suddenly, interconnect
controlled timing, power, noise, design functionality, and reliability. It controlled all
of these important electrical characteristics on the chip, even though the tiny
devices (buried under a multilevel structure of wires and vias) defined the actual
logic functions. Today interconnect still controls the design process in advanced
technologies and will continue to do so for the foreseeable future.

The dimensions associated with a cross section of interconnect are shown in
Figure 10.2. The rectangular wires are W wide and T thick, as shown. The separa-
tion between layers is a distance H (insulator thickness), and from other conductors
is a distance S. The length of the wire, L, is shown only for Metal 2. The Metal 1 wires
run into the page and so their lengths are not shown. It is important to realize that
the vertical dimensions H1, T1, H2, and T2 are determined during the fabrication
process. The designer has no control over these quantities. On the other hand, the
horizontal dimensions W1, S1, L1, L2, etc. are all under the control of the designer.

There are a number of reasons to emphasize the importance of interconnect.
First, as the width W of wires is decreased, the resistance increases. This increase in
wire resistance causes an RC delay phenomenon that had not been experienced before
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Figure 10.2
Wire dimensions for resistance and capacitance calculations.

1990. By the mid-1990s, a noticeable increase in wire delay led to widespread concern
that it would soon be greater than gate delay. Second, the spacing S between wires has
been decreasing to the point where the coupling between wires is significant. The
resulting capacitive coupling introduces additional delay and noise effects that can
cause failures in the design, requiring respins of silicon' in order to fix the problem.
The overall term for all these problems is signal integrity. Recent issues of inductance
in wires have been included in the growing list of signal integrity problems.

Other problems have surfaced due to the scaling of interconnect. The increase
in resistance in the power supply lines due to scaling causes voltage drop along
interconnect, referred to as IR drop. This affects the timing and functionality of
gates connected to the power lines if the drop becomes too significant. A similar
issue concerns the Ldi/dt drop in the power grid due to inductance. Still other
effects such as charge storage on metal lines during manufacture, called antenna
effects, lead to gate oxide breakdown or a threshold voltage shift. Further reliability
problems exist due to the migration of the aluminum or copper material in the
wires as high levels of current flow through them. Eventually, cracks and other
imperfections in the metal cause material erosion until opens or shorts occur. This
phenomenon is called electromigration, a long-term reliability issue.

Indeed, interconnect is more important than devices in many respects. This
chapter and the next should be studied carefully as they contain valuable informa-
tion pertaining to interconnect design issues. The material on interconnect in the
open literature is rather extensive. Our purpose here is to convey the major issues
and provide useful insight into the design methods to circumvent these issues. This
chapter considers resistance, coupling capacitance, and inductance effects on delay
and noise. Antenna effects are also described. The next chapter considers power grid

! A spin of silicon is the process of designing a chip and then having it fabricated. When errors are found in the
design after fabrication, the whole process must be repeated. This is a very expensive and time-consuming
exercise. Often several “spins of silicon” are needed to produce a working design for large complex chips.
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and clock tree design in the context of interconnect issues. For further information,
the reader is encouraged to consult the references at the end of the chapter.

10.2 Interconnect RC Delays
10.2.1 Wire Resistance

The delay due to interconnect has changed considerably due to deep submicron
effects. It is our objective to develop models that can be used for accurate delay cal-
culation when interconnect effects must be taken into account. So far, we have used
a simple lumped capacitance to model the wire as shown in Figure 10.3a. We now
consider the effect of wire resistance on delay. As the width dimension of the wires
is reduced, the increased resistance has a pronounced effect on the delay. This was
first observed at the 0.8 um technology node at a number of semiconductor com-
panies, but became a widespread issue at the 0.35 wm technology node. The inter-
connect model shown in Figure 10.3b is required when interconnect resistance is

important.
The resistance of a material is given by
pL  pL
R=—=— 10.1
A T™W (10.1)

where p is the resistivity of the material in {)-cm, L is the length of the wire, T is the
thickness of the wire, and Wis the wire width. The leading term in Equation (10.1)
is an important one:

(10.2)

(b)

Figure 10.3
(a) Lump capacitance model. (b) RC interconnect model.
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where R, is the sheet resistance of the material and has the units of ohms per square
(€2/0). The sheet resistance of any metal layer can readily be computed from the
resistivity and the thickness, T. To keep resistance relatively low in each technology
generation, the thickness has not been scaled at the same rate as the minimum line
width. However, the thickness of the metal lines will vary, depending on the metal
layer. To simplify our description, we assume that two different thicknesses are used,
one for the lower layers and one for the upper layers. Because the upper layers carry
much larger currents over longer distances, they require a lower resistance, and
therefore a higher thickness.

The two most common materials for interconnect are aluminum, with p =
2.7 wQ-cm, and copper, with p = 1.7 w{)-cm.? The metal hierarchies for a 0.18 um
aluminum process and a 0.13 um copper process were shown in Figure 10.1. The
approximate sheet resistances for a 0.18 wm, 5-layer aluminum process assuming
that metals 1 to 4 have a thickness of 0.5 wm and metal 5 has a thickness of 1.0 um
are as follows:

2.7 uQ-
Ry = L ! m/[0 Al metals 1-4
T 0.5 pm
10.3
p 2.7 uQ-cm (10.3)
R,=== =27 mQ/0 Al metal5

“ T  10um

The approximate sheet resistances for a 0.13 wm, 8-layer copper process assuming
that metals 1-6 have a thickness of 0.4 um and metals 7-8 have a thickness of
0.8 wm are as follows:

1.7 ud-cm
Ry = P AW 42 mQ/0 Cu metals 1-6
T 04 pm
p  L7uQ-cm (10.4)
R, = =21 mQ/0 Cu metals7-8
T 0.8 um
Given these parameters, the actual resistance of a segment of wire is:
(10.5)

The ratio of L/ Wis referred to as the number of squares of wire. It is the aspect ratio
of the wire in terms of length and width. Designers count squares of interconnect
as a way of obtaining a relative resistance value for a wire since R, is fixed for a given
technology. As we know by now, the number of squares of resistance has continued
to increase over the years since L is increasing and W is decreasing for the longest
wires on the chip. Therefore, these are the wires that cause significant RC delay
problems.

2 As a point of comparison, tungsten plugs have a much higher resistivity of 5.5 pQ-cm.
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10.2.2 Elmore Delay Calculation

In long wires, the increased resistance presents a distributed RC load to a driving
gate, as shown in Figure 10.4. For simplicity, the driver is represented as an ideal volt-
age source. The distributed RCline has been converted to a lumped RCladder struc-
ture with #n segments. The total resistance for the line is the sum of all the individual
resistances, R = #R . The same holds for the total capacitance, C,;,. = nCy,.

The wire capacitance in the delay calculation is computed using the capacitance
per unit length of interconnect, C,,. In modern technologies, there are multiple lev-
els of metal and each one has a different C,_,. In fact, as we shall see later, intercon-
nect capacitance is distributed in nature and highly dependent on the layout. Today,
there is more coupling capacitance between lines than there is capacitance to
ground. For the moment, we use an average capacitance value and assume that all
layers have the same C_, for hand calculations. The effective wire capacitance for
metal interconnect is G, = 0.2 fF/um for densely packed lines (3—4A apart) and of
the order of G, = 0.1 fF/um for loosely packed lines (30—40A apart). We will often
use G, = 0.2 fF/um for the capacitance for an interconnect line to be somewhat
pessimistic.

To determine the delay of an RCladder, consider an aluminum wire in 0.18 um
technology. Assume a wire width of W= 04 um, and G, =02 fF/um and R, =

nt

int

0.054 €)/07. Then for a length of wire 1 mm, the total resistance is R, = 0.054 £)/C]
X 1000/0.4 = 125 £) and the total capacitance is C,;, = 02 fF/um X 1000 um =
200 fF. It is tempting to compute the total RC delay as 0.7 R,,;,.C,.;e = (0.7)125 Q) X
200 fF = 17.5 ps. However, the actual delay is closer to 10 ps. Clearly, we need an
accurate way to compute the delay of such RCladders.
By multiplying R,;. and C,;. together, we assumed that the response was
exponential in nature, as shown in Figure 10.5a. In actual fact, the response of a dis-
tributed RC line is given in the graph of Figure 10.5b. The key to developing a con-
venient way of computing the delay for a ladder network is to examine the area
under the two graphs and establish a relationship between the two responses.

The area underneath the curve in Figure 10.5a is called the first moment of the

impulse response and is given by

wire Cwire

Area = f e RCqr = R
0

Figure 10.4
Distributed RC line as a lumped RC ladder.
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Rwire Rint
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(a) Lumped RC waveform (b) Distributed RC waveform
Figure 10.5

Lumped RC versus distributed RC output waveforms.

This gives us exactly the time constant for a lumped RC circuit. Apparently the area
under the curve provides first-order delay information. If we apply this observation
to the waveform for the distributed RC given by Figure 10.5b, we find that the area
under this curve is some value which we call 7 given by

Area = f v(t)dt=r
0

This quantity is also the first moment of the impulse response but is more com-
monly referred to as the Elmore delay by circuit designers. It can be shown that this
is the dominant time constant of the network and is a good estimate of the delay.
While this value is difficult to compute in general, it is fairly straightforward for RC
networks. The Elmore delay for an RCladder involves visiting each node in the cir-
cuit and multiplying the capacitance at that node by the sum of all the resistances
from the source node to the node being visited.

To further illustrate this procedure, consider the circuit in Figure 10.6. It has an
Elmore delay of

We can examine two extreme cases of this delay value to see if the Elmore delay
is consistent. Specifically, if C; = C, =0, then the Elmore delay and the RC time
constant are equal to (R, + R, + R;)C,. Similarly if R, = R; = 0, then the Elmore
delay and the RC time constant are both R,(C, + C, + C;). Since both cases are

314



448 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

Example 10.1

Figure 10.6
RC ladder for Elmore delay calculation.

correct, we have some confidence the Elmore delay is a reasonable delay estimator.
In fact, it is the most popular form of delay calculation for RC ladder and tree cir-
cuits.

For a general network, we can compute the Elmore delay as

T; = 2 (Ck X Rik) (106)

k

where the node of interest is node 4, C, is the capacitance at node k, and R, is the
sum of all the resistances in common from the source to node i and the source to
node k. In other words, we visit each node and multiply the capacitance at that node
by a resistance value that is the sum of the resistances that are common when we
draw two paths: one from the source to node 7 and another from the source to node
k. The process is best illustrated with an example.

Elmore Delay of a Simple RC Tree
Problem:

Compute the Elmore delay from the input to nodes 1,2, and 3 in the following RC
tree. The Elmore delay is not accurate for internal nodes such as node 1. However,
we are not usually interested in the delay from the input to an internal node in RC
trees. In any case, write the expression for the time constant due to Elmore for each
node.

®
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Solution:
7, = RG + RG + RG
7, =GRy + GR, + G,(R, + Ry)
73 = GRy + GR, + G(R, + R,)

10.2.3 RCDelay in Long Wires

For a long wire, we can compute the RC delay in terms of the total resistance and
total capacitance. Consider Figure 10.4 once again. If the total wire length is L, and
each segment is AL in length, then L = nAL. For convenience, set the wire resistance
per unit length to R, ; = r and the wire capacitance unit length to C; = c. The total
resistance is R ;. = 7L and the total capacitance is C;,, = cL. Using the Elmore delay
calculation assuming n segments, we obtain

rAL)(cAL) + 2(rAL)(cAL) + -+ + n(rAL)(cAL)

TEimore = (
(AL*rc(1 +2+ -+ + n)
(AL)*rc(n)(n + 1)/2

~ (AL)’rcn*/2 = L*r¢/2 = RyyeCuire/2

(10.7)

The actual propagation delay value is closer to 038R, C, ;.. Which is slightly less
than what Elmore predicts, so Elmore can be viewed as being somewhat pessimistic.
Note that, according to Equation (10.7), the delay increases as the square of the
length. This alerts us to the fact that long wires will create significant delays.

In practice, there must be a buffer or inverter driving the interconnect as shown
in Figure 10.7. The driver can be represented as a source voltage and a source resist
ance. The source voltage is either Gnd or V},;, depending on the direction of the
switching event. The source resistance is the on-resistance of the buffer.

We should always compute the total delay with the buffer attached to the inter
connect. In addition, we must include all fanout loading capacitances on the inter
connect for accurate delay estimation. To simplify the calculation, we replace the
distributed RC line with a lumped RC model after computing R,;. and C;,, of the

line. There are three forms of RC models as shown in Figure 10.8. While they all

Figure 10.7
Driver and interconnect.
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Rwire Rwire
Ryjre 2 2
I Cuire
L-model IT-model T-model

Figure 10.8
Three possible lumped RC models.

appear to be similar in form, they are not all suitable for the purpéses of delay cal-
culation. We can evaluate each one by computing its corresponding time constant.

First, the L-model produces a time constant of R ;. C, ;... We already know from
Equation (10.7) that the delay should be R,;,.C,;./2 so this model should not be
used. The second model is the m-model where the capacitance has been divided in
half and assigned to the input and output. The time constant is R, ,C,;./2. The
third model is a T-model where the resistance has been divided in half and assigned
to the input and output. Here, the time constant is also R, ,C,;./2. Therefore, the
L-model is not an accurate model for long distributed RC lines, whereas the m-model
and the T-model produce the correct answer, so they are both suitable for the delay
calculation. The T-model has an extra node that may increase the number of calcu-
lations. As a result, the 7-model is the most popular lumped model for a distributed
RCline.

Delay with and without Resistance Effects for Short Wires
Problem:

What s the propagation delay through the first inverter shown below, ignoring the
wire resistance? Assume all inverters are equal in size.Include all capacitances and
use 0.18 wm technology parameters. Recompute the delay including interconnect
resistance. Assume that the metal is Al and that the width of the wire is 0.2 um. Is
wire resistance significant?

Parameters: C¢ = 1 fF/um, G = 0.2 fF/um, C; = 2 fF/um.

0.8 pm/0.2 pm

20 um 15 um b
In

0.4 um/0.2 pm
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Solution:
Fanout capacitance: inverter is driving four identical inverters.
Cranout = 4 X Co(Wy + Wp) = 4(2fF/pm)(0.8 um + 0.4 um) = 9.6 fF
Self-capacitance:
Gt = Cert(Wy + W) = (1F/um) (0.8 wm + 0.4 um) = 1.2fF
Wire capacitance:
Caire = Ginelwire = (0.2 fF/m) (20 pm) = 4fF
Total capacitance:
Coad = Gaanout + Ceerf + Coire = 96 + 1.2 + 4 = 14.8fF

Based on this total capacitance, the delay assuming a ramp input is given by

L
Tdriver = RettCioad = (125k)<|/1_/) (14.8 fF)

1
= (12.5k)<5>(14.8 fF) = 6.25k(14.8 fF) = 92.5 ps

To include wire resistance, we first compute the resistance for the 20 um wire:

20 um

Ruire = qu(%) = 54 mQ/ X <———> ~ 54()

0.2 um
Next, use r-model for the wire:

6.25kQ 54 Q
Out

I.ZFFIZfFl I9.6fF

Use Elmore delay calculation:
Taiver = (6.25kQ) (3.2 fF) + (6.25kQ + 5.4 Q) (11.6 fF)
= 92.6 ps

Conclusion: the inclusion of wire resistance made no appreciable difference to the
solution.

The above example illustrates that short wires can (and should) be handled as a
lumped capacitance with little or no error in the calculations. The definition of a
short wire depends on the technology but typically wires that are a few microns long
or as high as 20 um should be handled as a lumped capacitance. Over 90% of the
wires in a chip are short wires and, therefore, can be computed in this way.

While the analysis above is appropriate when the length of interconnect is rel-
atively short, it is not appropriate when the interconnect line is long. In this case,
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the wire should be treated as a distributed RC line rather than a simple lumped
capacitance. Consider the example below that illustrates the impact of a long wire.

Example 10.3 Delay for Inverter Driving a Long Wire
Problem:

Consider an isolated metal 5 Al wire that is 20 mm long and driven by a 100X
inverter (i.e., 100 times larger than the minimum size inverter). Since the wire is iso-
lated, its capacitance is 0.1 fF/um. Estimate the total line resistance and the total
line capacitance assuming that the width of the wire is 0.5 wm.What is the propa-
gation delay as calculated by Elmore for the 7r-model from the input of the inverter
to the end of the wire?

Solution:

The wire resistance is

R, —R.L (o.gz; iln/F
The wire capacitance is
Cuire = Ginll = (0.1 fF/um) (20,000 um) = 2 pF
The inverter on-resistance is
Rett = Regn/100 = 125 k}/100 = 125 Q)
The inverter output capacitance is
Cert  Cer(QW + W)100 = (1 fF/um)(0.6 m)100 60 fF

We can ignore the junction capacitance since it is rather small. Using the 77-model,
the wire capacitance is split in half while the full wire resistance is used in the
model.

>(2o,ooo pm) = 1080 O

125 Q 1080 Q

The resulting Elmore delay is

Tamore = (125Q)(1pF) + (125Q + 1080 Q) (1pf) ~ 1.3 ns

In order to appreciate the large delays associated with long wires, we plot the FO4
gate delay and the wire delay for a number of different wire lengths as technology
scales in Figure 10.9. As reference points, the FO4 delay for 350 nm is approximately
150 ps; for 130 nm, the FO4 delay is reduced to approximately 40 ps; for 65 nm, the
value reduces to about 25 ps. On the other hand, for L =1 mm the interconnect
delay increases from 3 ps, to 27 ps, to 116 ps, respectively. For L =2 mm the delay
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Figure 10.9

Gate delay versus interconnect delay.

values are 12 ps, 110 ps, and 460 ps, respectively. For L = 3 mm the delay values are
30 ps, 240 ps, and 1035 ps, respectively. The wire delay doubles with each technol-
ogy node and increases quadratically as a function of wire length. Clearly, when a
single buffer drives a long wire, the interconnect delay will eventually dominate the
FO4 delay as technology scales or as the length increases.

We can define a rule of thumb for long wires by setting the FO4 delay equal to
the interconnect delay in each technology. A critical wire length can be derived as

follows:
FO4
Lcrit =
0 .3 8 Rint Cint

For example, in a 0.18 uwm technology, the value of L_;, can be computed using this
equation or estimated from the graph in Figure 10.9 to be approximately 2.5 mm. Of
course, this value will vary depending on the values of R, and C,, for a given wire.

10.3 Buffer Insertion for Very Long Wires

For very long wires, the quadratic delay characteristics described above cannot be tol-
erated in any design. The interconnect delay would be so long that it would dominate
the gate delay. In ICs, global wires tend to be very long since they must be distributed
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all over the chip. These wires are associated with clocks, busses, and other major sig-
nals in the design. Since the delay for a long wire is quadratic with respect to L, the
standard solution is to insert repeaters or buffers periodically along the wire. This
effectively shortens the wire into smaller segments. The buffers act to convert the
quadratic delay to a more linear delay. Of course, if we insert too many buffers, the
delay increases due to the buffers themselves. But with too few buffers, we are prone
to the quadratic effect. Finding the optimum number of equal-sized buffers needed
to minimize the overall delay is referred to as the buffer insertion problem.
Consider a wire of length L that has an unacceptably long delay without any
buffers driving it. If the per unit length resistance and capacitance are given by R,
and C,,, respectively, the total resistance and capacitance of the wire is given by

To reduce the delay we seek to insert a number of buffers that produce the mini-
mum delay. Let N be the number of such buffers (including the first buffer) and L/N
be the corresponding wire lengths between buffers as shown in Figure 10.10a. Each
segment consists of a buffer driving a wire load and a downstream gate load. A -
model may be used for the interconnect in one segment as shown in Figure 10.10b.

L/N

One stage

(a) Wire of length L with N buffers inserted

(b) One segment of buffer and interconnected

(c) RC model for one segment

Figure 10.10
Buffer insertion for very long wires.
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Assuming that a minimum size buffer is 1X, the corresponding input and output
capacitances are as follows:

Cout = Ceffw(l + B) = C](]‘ + B) (ln fF)

Here, B1is the ratio of the PMOS to NMOS device size. The value of Cjis Cz X W,
where Wis the size of the NMOS device for a 1X inverter. Similarly, Cgis C, X W.

Let the multiplier M represent the optimal buffer size for the buffer insertion
problem. Then, for a buffer which is M times larger than a 1X buffer:

Reﬁ = Requ/M
Coust = CeﬂrW(l + B)M = G+ B)M
Co = CW(1 + B)M = Cg(1 + B)M

In Figure 10.10c, we illustrate the RC model used for each stage during delay calcu-
lation. Using the Elmore delay, the delay for each segment is given by

Req" CintL
tsegment - 7 C]M(l + B) + -

2N
R, R‘L<C-L
eq int int
+ + + C-M( +
(S ml)(Sek s o 9)

The total delay is N times the segment delay. After some rearrangement, we find that
it produces a quadratic equation with respect to L.

Liotal N X tsegment = N(CG + C])Reqn(l + B)
(10.8)

When we examine each delay term, we find that the first term is due solely to the
buffer while the last term is due solely to the interconnect. The middle term has two
components: one is due to the wire resistance driving the input capacitance of the
next buffer, and a second RC term is due to the buffer driving the wire capacitance.

To find the optimal values for N and M, we apply the derivative with respect to
each of the variables, as follows. The number of wire segments is

at total RintcintL2
W =0 Reqn(C] + CG)(1 + B) - 2N2
L N= (10.9)
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The buffer size, assuming all buffers are equal, is

0% toral R eqnc intL
oM M?

M= \/ﬂ Cint (10.10)
‘ CG(I + B) Rint .

Using these values of Nand M, we can obtain the optimal delay through the inter-
connect. We can further understand these values by examining the total delay equa-
tion provided in Equation (10.8). The variable N exists in the first and last term of
t,oa the terms are due to the buffer and interconnect, respectively, each one acting
as if the other did not exist. If we set these two terms to be equal to one another, we
arrive at the equation for the optimal N. The expression under the square-root sign
in Equation (10.9) can be viewed as the interconnect delay (¢,;, according to
Elmore) divided by the inverter delay when driving an identical inverter (FO1 delay).

The middle term of the total delay expression in Equation (10.8) is dependent
on M. If we set the two expressions in the middle term to be equal to one another,
we arrive at the optimal M. This value does not depend on the length of the wire but
rather the physical characteristics of the transistors and wires. In fact, this quantity
depends only on technology parameters of the wire and the minimum-size inverter.
Therefore, we can compute this value once the process parameters have been deter-
mined. Note that precise values of the terms in the expressions are needed to pro-
duce accurate results.

It is useful to compare and contrast the buffer insertion problem to the logical
(LE) effort problem described in Chapter 6. For buffer insertion, we are concerned
with driving a long wire so we break up the wire into segments and insert very large
equal-sized buffers between the wire segments. For logical effort, the objective is to
drive a very large output capacitance starting from a small input capacitance. The
solution is obtained by determining the number of buffers and then sizing up the
buffers by a given factor, typically by 4X. In LE, the delay through each buffer stage
is the same at the optimal solution. In the case of buffer insertion, the delay due to
the buffer and the wire are the same at the optimal point.

=0= RintLCG(l + B) -

Buffer Insertion Example

Problem:

From Example 10.3, consider the 20 mm Al metal 5 wire again, but this time reduce
the delay using optimal buffer insertion. What is the new delay through the wire
after buffer insertion?

Solution:
Using the following values:
Rt = 54 mQ/um Gy, = 0.1 fF/um L = 20,000 um
Ren = 125kQY/00 C,=2fF/um Cy=1fF/um W=02um B=2
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The number of segments in the wire is

Rintcintl-z/z
Reqn(CG + C./)(’I + B)
The buffer size, assuming all equal buffers, is

— Regncint ~ 140

Co(1 + B)Rine

N = =69~7

Then, the buffer resistance is

125k

eff 140 z90(2

The buffer output capacitance is:
Cor = Cor(2W + W)140 = (1F/ um) (0.6 wm)140 = 84 fF
The buffer input capacitance is
Cranout = C,(2W + W)140 = (2fF/um) (0.6 £m)140 = 168 fF
Each segment produces this RC delay model.
90 Q 154 Q

In o—ANy I I MWy I o Out
84fFI J_:143fF 143fFJ:: Lﬁﬁ'ﬂ:

The total Elmore delay is
=7 % [(90 Q) (84 fF + 143fF) + (90 Q + 1540) (143 fF + 168 fF)]

TEimore

=0.67ns

The total delay has been cut in half using buffer insertion.

10.4 Interconnect Coupling Capacitance

In this section, the issues associated with coupling capacitance are described. The
goal is to understand the various components of wire capacitance and to develop
formulas for hand calculation. In reality, IC interconnect structure is three-dimen-
sional in nature as seen in Figures 1.1 and 1.2 of Chapter 1. However, for hand cal-
culations, we can develop simple formulae that work well in practice. Thus far, we
have been using 0.2 fF/um for wire capacitance without really knowing its origin or
range of validity. This section attempts to clarify its origin and justify the use of this
value from a modeling perspective.

10.4.1 Components of Coupling Capacitance

In modern integrated circuits, interconnect capacitance modeling is a complex task.
The capacitance of such wires is dependent on their topology, on the distances from
other wires above or below, and on the separation between wires. To acquire a basic
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Fringing
Area J-

Grounded

Substrate

Figure 10.11
Area, lateral, and fringing components.

understanding of the problem, we can use simple first-order models to describe
interconnect capacitances and derive useful constants for design purposes.

Before beginning the analysis, we describe the different components of capaci-
tance. These components are all shown in Figure 10.11. The first capacitance worth
noting is between a line and the substrate, called the grounded capacitance. This was
the dominant capacitance in the past, but its value has been diminishing due to scal-
ing effects. The next capacitance to note is between metal lines on the same layer.
This is called the lateral capacitance. This is the main coupling capacitance that is
the source of delay and noise issues. This capacitance has been increasing over the
years. There are two other capacitances that may give rise to coupling between lines.
One is referred to as the fringing capacitance which occurs between various edges
and surfaces between two crossing lines. One of many such fringing capacitances is
shown in the figure.? The other type of coupling capacitance occurs when two wires
on different metal layers overlap. It is called the area capacitance.

Over the years, coupling capacitance has been increasing while the grounded
capacitance has been decreasing. The general trend is depicted in Figure 10.12,
where the coupling capacitance due to area, lateral, and fringing components is
overtaking the grounded component as the line widths shrink. In a typical 0.13 um
design, over 70% of the wire capacitance at a node may be due to coupling between
wires. This is usually the case for long nets, although short nets may also have sig-
nificant coupling to their neighbors. Most nets have significant junction and gate
capacitances due to the logic gates that increase the overall grounded capacitance.
However, the coupling to other nodes is still significant.

To obtain a quantitative view of coupling capacitance, consider the intercon-
nect structure shown in Figure 10.13. We would like to determine the capacitance
of the center wire on a component by component basis so that it can be used for
delay and noise calculations. The capacitances associated with the middle conduc-
tor are given in Figure 10.13. The dimensions of the wires were shown earlier in Fig-
ure 10.2. The total values of area, lateral, and fringing capacitances are all indicated
in the figure. The grounded capacitance is treated as an area capacitance since the

3 Actually, there are many other fringe capacitances that are not shown in the figure to keep it simple.
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Line width (um)

Figure 10.12
Coupling capacitance, grounded capacitance, and total capacitance.

Metal 2
el
Metal 1
Ground plane
Figure 10.13

Capacitances associated with middle conductor.

calculation will be the same for both. While the capacitance cannot be exactly par-
titioned as shown, we model it this way for convenience. Once computed, we sum
them together to compute the total wire capacitance. We now compute each one in
units of capacitance per unit length.

The easiest component to compute is the area capacitance per unit length.
There are two such capacitances, one from the conductor to ground and the other
from the conductor to Metal 2 above it. This is illustrated separately in Figure 10.14.
Assuming silicon dioxide with a dielectric constant of 4 is used as the insulating
material, each of these capacitances is computed as

w
Carea = Eox (10.11)
H

The numerical value of this capacitance is

B w w . w w
wea = ox py = 480H = 4(88.5 X 10 fF/p,m)H = 0'0353 fF/um

C
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Metal 2

Metal 1 w

H Carea

Ground plane

Figure 10.14
Modeling area capacitance.

As Wshrinks in value with technology scaling, the area capacitance reduces linearly.
In 0.18 wm technology, the upper layer of metal would have W= 0.4 um and H=
0.5 wm. Therefore, C,,., is approximately 0.03 fF/pm.

Next, we examine the lateral capacitance. This value can be complicated to com-
pute but there are two limiting situations that lend themselves to a straightforward

formula. These two situations are shown in Figure 10.15. When the conductors are

Metal 2

Metal 1 TT

|—f
S=4A
Ground plane
(a)
Metal 2
Metal 1 T—f
S =40\ S =40\
Ground plane

(b)

Figure 10.15
Modeling lateral capacitance.
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very closely spaced by 4A, as shown in Figure 10.15a, the capacitance can be com-
puted using the parallel-plate formula:

T
C]atera] = eoxg (1012)

The capacitance is inversely proportional to the spacing, S. Applying the dielectric
constant value to the equation:

T T T T
Crateral Sox g ~ 4805 — 4(88.5 X 10*fF/pum) i 0.035 5 fF/ um

In our generic 0.18 wm technology, the upper layer metal has T= 0.8 um and S=
0.4 wm. Therefore, G,y is 0.070 fF/um. When the conductors are spaced out by
40A as in Figure 10.15b, then G, is 0.007 fF/um and can effectively be ignored.

The last capacitance to consider is the fringing capacitance. Again, its complex-
ity prohibits any sort of simplified analysis. However, for hand calculations, it is suf-
ficient to consider two cases as shown in Figure 10.16. The first case in Figure 10.16a
consists of densely packed wires where the lateral capacitance dominates. For this
case, Gy, is approximately zero. However, if the conductors are widely spaced, as
in Figure 10.16b, there is a fringe capacitance on each edge of approximately

T
Cfringe = 8oxln(1 + I_‘I_> - (10.13)

Metal 2

Metal 1 TT

Ground plane

(@)

Metal 2

Metal 1 TT

Ground plane

(b)

Figure 10.16
Modeling fringing capacitance.
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Since T and H are fixed by the technology, this capacitance is almost independent
of the topology. While this is not strictly true, it is sufficient for our modeling pur-
poses here. We can compute the value of the fringing component as follows:

T B, 0.5
Cfxinge = 80x1n<1 + E) = 4(88.5 X 10 4fF/I-Lm)ln<1 + _0__5_)
= 0.025 fF/ um

Now that each of the components has been derived, we are ready to compute the
quantity G,

int*
The total capacitance for the middle wire depends on whether the wires are

closely spaced or widely spaced. The case for the closely spaced wires on the upper
layers is given by

Cint = 2Chea T 2Guterat T 2Chtinge
= 2(0.03) + 2(0.070) + 2(0.0) fF/pm
= 0.2 fF/pm
If the wires are widely spaced, we can use the following formulation:
Cint = 2Carea T 2Cinge T 2Cateral
= 2(0.03) + 2(0.025) + 2(0.0) fF/um
~ 0.1 ff/um

Now consider the closely spaced and widely spaced cases for the lower level metal
lines. The case for the closely spaced wires is given by

Cint = 2Cea + 2C1pteral T 2C1inge
= 2(0.015) + 2(0.035) + 2(0.0) fF/um
= 0.1 fF/um
If the wires are widely spaced, we can use the following formulation:
Cint = 2C4rea T 2Cipge T 2C1teral
= 2(0.015) + 2(0.025) + 2(0.0) fF/um
= 0.08 ff/um = 0.1 fF/ um

To summarize, we have considered the 3D capacitances of deep submicron inter-
connect and found that upper layers of metal typically exhibit total capacitance of
about 0.2 fF/um for closely spaced lines and 0.1 fF/um for widely spaced lines. The
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capacitance of wires that are spaced between the two extremes would lie between
0.1 fF/um and 0.2 fF/um but the calculations are much more complex. However,
capacitance extraction tools are available to obtain these components accurately.
The lower levels Of metal exhibit wire capacitances of about 0.1 fF/um in both sit-
uations. Individual values of the coupling capacitances may be estimated using
Equations (10.11), (10.12), and (10.13). These first-order equations provide valu-
able insight into the origin and nature of the 3D effects. Worst-case capacitances lie
in the range of 0.2 — 0.3 fF/um. We now consider the effect of coupling capacitance
on delay and noise.

10.4.2 Coupling Effects on Delay

The RC equations given in Section 10.3 using the Elmore delay did not properly
take the coupling effects into account. A more realistic situation for delay calcula-
tion is shown in Figure 10.17 where neighboring lines are coupled together. The
grounded capacitances shown include self-capacitance, fanout capacitance, and
wire capacitance (to substrate). The coupling capacitances due to area, lateral, and
fringing effects are actually distributed along the nets. The fact that the coupling
capacitors exist between all neighboring lines implies that delay is a function of not
only what is happening on the line of interest, but also what is happening on the
neighboring lines.

To understand this effect, consider the case of two adjacent buffers driving their
respective lines with a single coupling capacitance, as shown in Figure 10.18. To
simplify the problem, we ignore the wire resistance and concentrate on the effects
of coupling capacitance on delay. The line of interest is called the victim net while
the neighboring line is called the aggressor for reasons that will become clear in
the descriptions that follow. Consider the delay associated with the switching of net
2. It is coupled to net 1 with a large capacitor C.. How should the coupling capaci-
tance be handled? One is tempted to connect the other side of the capacitance to
ground while computing the delay for net 2. However, this may not be correct
depending on what is happening at net 1. The actual delay depends on whether net

Figure 10.17
Coupling capacitance between lines.
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Net 1
20— Aggressor
Net 2 .
— Victim

Figure 10.18
Circuit for analysis of coupling delay and noise effects.

1 is switching from high to low or low to high, or perhaps not switching at all. If it
is not switching at all, then it is appropriate to ground the other side of the capaci-
tance. This would make the total capacitance at net 2 equal to C,,,4+ C.. That covers
only one of the three possible cases that may occur.

To complete the story, we examine the total loading capacitance, C;, of net 2 for
a number of different cases. Again, if the neighboring net is stationary, then

CL = Cg + C. aggressor not switching (10.14)

since the adjacent net is not switching and the coupling capacitor behaves like a
grounded capacitor. If the two nets are switching in the same direction, then

Cp = Cya both switching together (10.15)

since net 2 does not have to charge the coupling capacitance. However, if net 1 is
switching in the opposite direction to net 2, then we should include the so-called
Miller effect. Since net 2 must supply twice the charge on the coupling capacitor to
compensate for the switching process:

Cp = Cgq + 2C,  both switching opposite (10.16)

Even more combinations are possible if there are more neighboring nets. For exam-
ple, in Figure 10.17, net 3 is coupled to net 2 and net 4. Obviously, there are many
combinations of switching that result in different values of its C;. In this example,
the proper value of C; must be determined after considering 32 possible cases. For n
coupled nets, there are 3" possible combinations. The result is that the delay for a
net is unpredictable as it may vary from one switching event to another. This is one
of the reasons why timing is so difficult to characterize accurately in deep submi-
cron technologies.

A number of layout-based approaches have been developed to cope with this
unpredictable delay, as shown in Figure 10.19. One approach is to space out the
wires so that the lateral capacitance term decreases. Equation (10.12) tells us that
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(a) Spacing —lower capacitance/larger area

(b) Shielding — higher fixed capacitance/smaller area

Figure 10.19
Spacing versus shielding to reduce coupling effects.

there is a 1/S relation between lateral capacitance and spacing, so we can reduce the
amount of coupling by spacing signals apart from one another as in Figure 10.19a.
Of course this will cost area, but it is effective when applied to a subset of the sig-
nals. Another approach is to interleave switching signals with nonswitching signals
(such as power and ground) wherever possible. This is referred to as shielding as in
Figure 10.19b. We can place well-behaved signals on either side of a signal so that its
delay may be more predictable. However, in this case the total capacitance increases
since there will always be a fixed capacitance to ground due to the shields.

Process engineers are also working to reduce the effects of coupling. Typically
Si0, is used as the insulator in most CMOS processes. It has a relative dielectric con-
stant of approximately 4. If the relative dielectric constant of the insulating material
could be reduced from 4 to 2, the coupling capacitance would be cut in half. The
pursuit of these so-called low-k dielectrics has been ongoing for years. Currently, the
relative constant is roughly 3 but there are many issues to resolve to reach the target
value of 2.

Timing verification tools can be used to obtain more accurate delay informa-
tion since they have some notion of when signals switch. These tools require input
from capacitance extraction tools that provide detailed coupling information. One
way to characterize the effective load capacitance for these tools is to create a pre-
multiplier for the coupling capacitance called a k-factor.* Each coupling capacitor
can be multiplied by this factor to adjust its value according to switching activity.
This k-factor is nominally in the range 0 to 2.

To handle coupling effects, the timing verifier would ground all coupling capac-
itances after taking the k-factors into account. While this is a simplistic solution, it
is one of the more practical approaches to coupling analysis. Figure 10.20 shows this
process for a pair of adjacent nets. The load capacitance for net 2 is adjusted by the
k-factor depending on the switching of net 1. One complication is that the k-factors
may vary over time due to the switching conditions associated with adjacent nets.
Fortunately the designer is primarily interested in the worst-case values of k since it

#This is not the same as the k used in low k dielectrics. This one is used to adjust capacitance values taking
into account the switching behavior. To distinguish them, we will use the terms low-k and k-factor when ref-
erencing them.
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k=0 switching in same direction
k=1 aggressor not switching
k=2 switching in opposite directions

Figure 10.20
Handling coupling using k factors.

will produce the worst-case delay values. This also simplifies the analysis signifi-
cantly because it would be impractical to analyze the circuit exhaustively with case-
dependent k-factors. For example, setup and hold time checks are important for the
timing verification of flip-flops. When checking setup time, the designer uses the
maximum k-factor on signal nets and the minimum on the clock net. The opposite
settings are applied for hold time violations.

If this were not complicated enough, it turns out that the exact timing of the
aggressor and victim signals also plays a role in the observed delay. Figure 10.21
illustrates the effect of signal timing in the presence of wire coupling in a SPICE
transient analysis. The uncoupled waveforms of the victim (net 2) and aggressor
nets (net 1) are shown along with a second plot of the victim waveform when many
aggressors switch against it. Because of the early timing of the aggressors, the cou-
pling actually causes capacitive feedthrough in the wrong direction before the
proper transition begins. The resulting propagation delay in this example doubles

Victim net without I’ ‘\
1.8 couplin\g — ;—_—;s{ \‘
. - \
Netl 7 N\« \ o
7 /s \
1.2 /' ,l Net 2 \ \
K \
() / / S
- ' ‘
06 /S \
/ ,' \Victim net with \\
/ coupling delay R
0.0 ,, \'\.—‘.s.-——
\
i ,' Agressor nets
vy
[
-0.6
250 500
Time (ps)

Figure 10.21
Transient analysis of coupled nets.
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when compared to the case without any signal coupling. It is clear that the k-factor
can lie outside of the range of 0 to 2 due to feedthrough.> For the designer, the use
of structured layout to avoid coupling wherever possible, and careful timing verifi-
cation using k-factors are the two main approaches to cope with this signal integrity
problem.

10.4.3 Capacitive Noise or Crosstalk

The second type of problem is noise injection due to capacitive coupling. This prob-
lem arises when there is a nonswitching net, again the victim net, surrounded by
aggressor nets that are switching. When the aggressor nets switch, noise is injected
into the victim line due to capacitive feedthrough effects. We have already observed
this effect during a transition in Figure 10.21. Here, we consider the case where the
victim line is quiet while aggressor lines are switching and injecting unwanted noise.
Depending on the size and duration of the noise, it may act to upset the function-
ality of a design—that is, a “soft” error may occur. Coupling noise at latch or flip-
flop inputs and in dynamic logic circuits is particularly troublesome. Specifically,
incorrect values can be captured in flip-flops, or voltage levels at dynamic nodes
may be upset due to noise injection. Noise may also propagate through logic gates,
assuming that the noise level is high enough. This can cause problems for down-
stream logic circuits, particularly for dynamic logic. Tracking down this type of
problem in a multimillion transistor chip has consumed many engineers for
months, often without success. It can also increase the power consumption unnec-
essarily.

To understand coupling noise, consider Figure 10.22 which depicts our aggres-
sor and victim nets connected only by a coupling capacitance, C. The feedthrough
equation for the noise injected from net 1 into net 2 is

C.AV,

AV, = ——1
’ (and + Cc)

(10.17)

(@) (b)

Figure 10.22
Coupling noise analysis.

5 The k-factor actually lies in the range of ~1 to 3 when feedthrough is taken into account.
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where AV is the voltage transition at net 1 during a switching event. This equation
was described in Chapter 7 on dynamic logic. If the change on the aggressor net is
Vpp» then the injected noise is

CCVDD

AV, =
’ (and + Cc)

This first-order analysis is useful in obtaining an idea of the relative magnitude of
noise due to coupling capacitance. To compute the noise level more accurately, a
number of other factors must be taken into account such as the driver resistances,
wire resistance, switching times of the aggressor signals, the switching direction of
the signals, the slew rates of the signals, resistive shielding of driver, etc. Of course,
once the noise is injected, the victim acts to restore the original level as quickly as
possible. Complex situations that include these factors require detailed transient
simulation in SPICE to obtain accurate results. Linear RC simulators are also useful
for this purpose.

In practice, designers try to minimize coupling to neighboring signals to reduce
noise. This can be accomplished by spacing the signals apart to reduce the C, term,
or by shielding signals with V,, or Gnd, thereby eliminating the C_term. These two
approaches were illustrated in Figure 10.19.

To summarize, the delay and noise effects are difficult to analyze by hand,
except for the smallest circuits. Designers must use structured design methodolo-
gies to avoid coupling effects as much as possible, especially when critical nets are
involved. CAD tools must be used extensively to identify problem areas and apply
the spacing and shielding approaches to resolve the problems. Process engineers
must continue to develop low-k dielectric material to further reduce the effect of
coupling capacitance. Ultimately, signal integrity-aware CAD tools, good design
practices, and improved dielectrics are all needed to cope with these problems.

¥10.5 InterconnectInductance

A relatively new and even more complex issue of inductance is lurking around the
corner as we scale technology and increase the clock frequency. Unfortunately, it
may become a problem soon if not addressed properly from a design perspective. It
is interesting to note the order in which we encountered DSM interconnect issues:
first we experienced the increase in resistance; then, coupling capacitance; and now
inductance. This order of appearance was quite fortunate since each one is progres-
sively more difficult to understand, extract, or analyze than the previous one. Inter-
connect resistance is easy to understand and is confined to the metal conductor
experiencing the current flow. Coupling capacitance is an electrostatic phenome-
non between wires in a localized region around the wire of interest. It is clearly more
complex to analyze than resistance, but still a tractable problem. Inductance, on the
other hand, is an electromagnetic phenomenon and its effect is not necessarily con-
fined to alocalized region. It is more complicated to understand and almost impos-
sible to extract and analyze, except for small sections. Nevertheless, we must under-
stand its effects and explore options to avoid its impact.
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The first step is to review inductance from an electromagnetic point of view.
When current flows through a conductor, it sets up an electromagnetic field around
it with a flux that stores energy. This flux is linearly related to the current, as follows:

¢ =Li (10.18)

The proportionality constant is obviously the inductance, L, which is measured in
Henrys (H). As the current changes, the magnetic flux acts on the wire itself and
induces a voltage drop. For a linear inductor, we can take the time derivative of
Equation (10.18) to obtain

di

AV = Ld_t (10.19)

This equation implies that the voltage drop is zero for a dc current. That is, the
inductor can be treated as a short circuit for low-frequency operation. As the cur-
rent demand of a chip increases, the voltage drop associated with the inductor
increases. In high-speed designs, the rate of change of current with respect to time
is increasing rapidly. Therefore, inductance effects are especially important at the
package pins and in the power distribution system. We will examine this issue in
more detail in Chapter 11.

Signal lines are also beginning to exhibit increased effects of inductance. It is
important to realize that interconnect is really a distributed RLC line, not simply a
distributed RC line. As such, it behaves like a transmission line under certain cir-
cumstances. We now elaborate these circumstances and describe how the induc-
tance effects modify the delay equation. We will use R, ,, C_,, and L, , to represent
the resistance, capacitance, and inductance per unit length, respectively. An estimate
of the inductance per unit length can be obtained from a well-known relationship
in electromagnetic theory

(10.20)

where the insulating material is assumed to be oxide with permittivity, &,,, and per-
meability, w.,. This equation only applies to a conductor that is completely sur-
rounded by a uniform dielectric, but it is useful in obtaining first-order inductance
values. Assuming that G, = 0.1 fF/um, &,, = (4)(8.85 X 107!* F/cm) and p, =
12.6 X 1077 Wb/amp, then L, , = 0.45 pH/um. This is a very crude estimate but
does provide the correct order of magnitude for inductance.

In Figure 10.23, a lumped model of the RLCline is shown. We can analyze this
simple circuit to develop some intuition before proceeding on to the distributed
line. First, consider the complex impedance associated with the resistance and
inductance of the signal line

Zpg = R+ joL - (10.21)

where w = 27f is the signal frequency in radians/second. If R >> jwL, then Equa-
tion (10.21) tells us that inductance is not important. If R< jwL, then inductance
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Figure 10.23
Lumped model of RLC interconnect.

effects will be observed in the signal line. In the past, the resistance was larger than
the reactive component so that RC effects were dominant. In recent years w has been
increasing significantly in very high-speed designs to the point where the reactance
term is important. At the same time, process engineers and designers have been
working to reduce wire resistance. First, the resistance of the metal lines has been
reduced with the introduction of copper as a replacement for aluminum. Second,
certain signals use very wide wires to lower the resistance significantly. This reduc
tion in resistance combined with an increase in the operating frequency has made
the reactive term non-negligible in certain signals. Interestingly, while inductance
values have not increased over the years, the increase in frequency and decrease in
resistance have combined to raise concerns about inductance.

The above analysis is somewhat localized to the interconnect itself. When con
sidering the significance of inductance, it is important to consider both wire resist
ance and the on-resistance of the buffer driving the wire. In most cases, the buffer
resistance is very large (on the order of kilo-ohms) and will dominate. That is,

Rbuffer + Rwire = ]wL

Therefore, we should be able to ignore self-inductance for most signals on the chip.
Of course, if the bulffer is large and the wire is wide, we would have

Rbuffer + Rwire < ](DL (1022)

and inductance would be noticeable. This is most prominent in clock lines. There
fore, the delay should be computed using RLC delay equations.

Next, we include capacitance in the analysis. The lossless transmission line of
Figure 10.24 has inductance and capacitance but no resistance. It is driven by a volt
age source V with a source resistance of R Since the interconnect has no resis-
tance, it can be represented by a characteristic impedance of Z, given by

Lint

%=\
Cint

When we apply a step input to the interconnect, the response depends on the rela
tive values of Rgand Z;,. When the resistance is much greater than the characteristic
impedance, i.e., Ry >> Z, the RC effect will dominate the transient response. We
expect an exponential response given by

Vout (t) = 1 — € t/RC
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Figure 10.24
Responses of RLC interconnect.

As shown in the figure, the propagation delay, £, and rise time, ,, are rather large.

However, if Ry < Z,, inductance effects will be important and we obtain an
oscillatory response within an exponential envelope. The response has a general
form given by

where 1, a, b, and ¢ depend on the RLC values. The figure illustrates the nature of
the response. Note that ¢, and ¢, are much shorter in this case, but the tradeoff is a
relatively large overshoot and undershoot of the waveform, and a longer settling
time, ¢,. These delay values can be computed from the response equation above.
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Finally, we consider a lossy transmission line where distributed effects are taken
into account. For this case, the length, [ of a distributed RLC line plays a role in
whether it exhibits the effects of inductance. In particular, as a signal propagates
down the wire, it experiences a certain degree of attenuation due to wire resistance.
When it reaches the end of the wire, it reflects off the load impedance and propa-
gates back toward the source. This reflected signal is also attenuated as it travels back
down the wire. The interaction of the forward and backward propagating signals
leads to the ringing effects observed in Figure 10.24. If the wire is very long, then
inductance effects will not be observed due to signal attenuation. A standard deri-
vation can be used to find the maximum length at which inductance effects occur

2 Lint

S (10.23)
Rint Cint

e <

Qualitatively, this tells us that as the resistance per unit length increases, the length
over which inductance is important decreases.

The transition time of the signal at the output of the buffer also controls the
transmission line effect. If the round-trip of the signal down the line and back to the
buffer is short relative to the rise time, it does not have a significant transmission
line effect. The round-trip time is given by

(10.24)

The quantity Tj is referred to as the time-of-flight. If the rise time (or fall time) is
shorter than twice the time-of-flight, we will observe the transmission line effects.
Therefore, we require that

t, < 21VL,Ciny (10.25)

In terms of ], this translates to a minimum length of

(10.26)
Combining the results of Equations (10.23) and (10.26), we find that
tr 2 Lint
—< I< A/ 10.27
2 Lintcint Rint Cint ( )

This result tells us that the wire must be larger than the length specified by
t,/2V Ly Gy but smaller than the value specified by (2/R;y)VLiny/ Cine for induc-
tance to be important in delay calculation. We should view these results as being
more qualitative than quantitative since the terms in the equations are difficult to
compute with great precision. Furthermore, the effect of buffer resistance must also
be considered to obtain accurate results.

What makes the inductance problem particularly difficult is that, fundamen-
tally, inductance can only be defined for a closed current loop, not simply for a seg-
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ment of wire. The inductance of the loop is proportional to the area of the loop.
Knowing the forward path of the current is not sufficient; the return path must also
be identified. This is not easy to determine for most signals. In the past, the return
path was assumed to be in the substrate. For high-speed designs, the return path
often occurs in the power and ground distribution systems, and even in other sig-
nal lines. Worse yet, there may be multiple return paths, some through
power/ground rails, and others through signal lines that are not close to the signal
of interest. The extraction of inductance values is difficult since the effect of induc-
tance is not confined to a localized region around the conductor.

More problematic is mutual inductance since it causes noise and delay effects on
unsuspecting neighboringlines in unexpected ways. This type of problem is a grow-
ing concern for most integrated circuit designers, as it is difficult to extract and ana-
lyze. Mutual inductance refers to time-varying current in one line giving rise to a
voltage drop in a second line. Two RLC lines are coupled via mutual inductance, as
follows

_ di, di,
=i+ My,
(10.28)

where L, and L,are the self-inductances of the two wires and M is the mutual induc-
tance between the two wires. When a current flows in one line, it induces a return
current in the other line due to its mutual inductance. The voltage drop on each line
is the sum of the drop due to its self-inductance and its mutual inductance with the
other line. This effect can occur over distances of 100 wm or more and create func-
tional failures that are intermittent in nature. The details of mutual inductance
effects, while important in future technologies, are beyond the scope of this book.
The interested reader is encouraged to consult the references at the end of this chap-
ter for further information.

To summarize, self and mutual inductance effects have been observed most fre-
quently in clocks and busses. Clocks are prone to self-inductance effects whereas
busses are more likely to experience mutual inductive effects. To limit the effects of
self-inductance, wire lengths can be kept within the boundaries suggested by Equa-
tion (10.27). For mutual inductance, shielding techniques of the form shown in Fig-
ure 10.19 can be used to limit its effects.

¥*10.6 Antenna Effects

Another important issue associated with interconnect is the antenna effect. This is a
reliability issue that may destroy the thin-oxide of transistors during fabrication or
modify the threshold voltage of devices. During the fabrication process, charge builds
up on each metal layer during plasma etching, sputtering, or chemical-mechanical
polishing (CMP). This phenomenon is referred to as an antenna effect since charge is
attracted to each metal layer like an antenna. Since Q = CV, the accumulated charge
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creates a potential difference across the gate oxide of a MOS transistor. When too
much charge accumulates on the gate, the voltage drop across the oxide damages the
transistor by shorting the gate to the substrate. A less dramatic, but still undesirable,
effect is a shift in the V. due to injection of mobile carriers into the oxide through
Fowler-Nordheim tunneling.

The antenna effect manifests itself as an interconnect design issue since the
metal layer selection and routing determine the impact of this phenomenon. When
Metal 1 is processed, its charge buildup is rather small since the lengths of the wires
associated with Metal 1 tend to be short. As we add more and more layers, the area
tends to increase since the wires are longer and thicker. Higher levels of metal have
more surface area and therefore accumulate more charge, so they tend to be more
troublesome with respect to the antenna effect. If a transistor survives the process
on a given layer, that layer does not play as significant a role in the antenna effect
during subsequent processing operations. Therefore, we usually assess antenna
problems for each metal segment in each layer separately.

The antenna rules specify maximum allowable ratios of metal (or poly) area to
gate area for each layer.

Areametal

Antenna Ratio = (10.29)
T€a,y.

For example, if the antenna ratio is set to 100, the area of a metal line would have to
be 100 times larger than the gate area for an antenna rule violation to occur. There
is a different ratio for each metal line. The design-rule checking (DRC) tools can
check to see if each wire segment on each layer causes a violation, and flag those that
are potential problems. For threshold voltage shifting, all metal layers connected to
a gate need to be combined to obtain Area_,,, in Equation (10.29).

An example of the antenna effect is shown in Figure 10.25. Relative to the indi-
cated device, poly, Metal 1, or Metal 2 may act to damage the gate region. For exam-
ple, when Metal 1 is deposited and polished, charge develops on it and builds up a
potential difference that could damage the oxide of the indicated transistor. If it tol-
erates the voltage level, then the corresponding Metal 1 segment is not considered
to be a problem in the rest of the processing sequence. However, when the next layer
of metal is applied, the corresponding charge on this second layer alone is checked
against its antenna ratio. A more conservative approach recognizes that process
induced damage is a cumulative effect. In that case, the total area of poly + Metal 1
+ Metal 2 is divided by the gate area for the antenna check.

A number of different approaches have been used to avoid antenna effects. First,
the insertion of diodes along the wire can be used to discharge the metal lines dur-
ing the processing sequence. This approach is illustrated in Figure 10.26 where a pn
junction has been connected to Metal 1. The job of this diode is to discharge each
layer of metal as it is deposited so that the transistor does not see any significant volt-
age drop. It is reverse-biased and harmlessly removes charge as it accumulates.

The use of antenna diodes is very effective but presents some practical prob-
lems. Diodes cost area and their location must be decided based on the metal struc-
ture. Ideally, the diode should be near the transistor gate as shown in Figure 10.27.
There is already a reverse-biased junction at the output of the inverter, but the
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Figure 10.25
Antenna effects during IC processing.
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Figure 10.26
Antenna diodes to discharge metal lines.
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Should put antenna
diode here
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small near next transistor

Junction diode

Figure 10.27
Proper placement of antenna diodes.

antenna diode is needed near the transistor gate as shown. Note that as each layer
in the example is deposited, the far-end transistor must be able to handle all the
charge accumulation on each successive layer in this configuration. Therefore, the
far-end metal lines must be kept short or we must place diodes near the transistor.
However, it would be too expensive in terms of area to place diodes near all transis-
tor gate inputs, or embed the antenna diodes inside cell libraries. It should only be
used where absolutely necessary. This involves a complete DRC verification of the
entire layout to identify the locations that are appropriate. The second issue is to
define the area of the diode. This depends on the area of the metal segments that it
supports. If large diodes are used unnecessarily, area may be compromised.

A second approach is to break up long wires with buffer insertion. This will
reduce the total area available for charge accumulation and increase the transistor
gate area, thereby reducing the total charge on each metal line. Of course, such a
process is already carried out as part of reducing the RC delay, but we obtain a side
benefit of a reduction of antenna effects. We must still verify that no segment cre-
ates a problem, but we will definitely reduce the number of violations after buffer
insertion.

A third approach is to create metal jumpers from one level to the next to break
up the lines near the far-end of a wire. This is illustrated in Figure 10.28. In this case,
we show a Metal 1 wire that violates the antenna ratio. A seemingly unnecessary jog
to Metal 2 is introduced near the gate of the transistor to avoid the total charge of
Metal 1. Recall that, when the processing steps are applied to introduce the vias, the
charge of Metal 1 is removed. Therefore, the transistor will only experience the
small charge from the Metal 2 segment. The additional resistance and capacitance
of the vias and Metal 2 segment are usually negligible.

In summary, the proper solution to the antenna problem depends on the phys-
ical design methodology, tools, and engineering tradeoffs associated with the
design. All of the above solutions are viable if carried out with careful considera-
tions of the tradeoffs. In advanced processes, diode and buffer insertion appear to
be most helpful. Hopefully, tools of the future will automatically take care of this
issue on behalf of the designer.
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Figure 10.28
Metal line jogs to avoid antenna effects.

10.7 Summary
Interconnect data:
(@) 0.18 um 5 layer aluminum process: p = 2.7 u{) cm; Metals 1-4, T=

0.5um, H=0.5 um, W_, = 0.3 um;and Metal 5, T =1 um, H= 0.5 pm,
Wiin = 0.4 um

(b) 0.13 pm, 8 layer copper process: p = 1.7 u{) cm; Metals 1-6, T= 0.4 pum,
H=05pum, W_;, 0.2um; and Metals 7-8, T= 08 um, H= 0.5 um,
Wi = 0.4 um

Wire resistance calculations:

pL _ pL p
R = — = =
A T™W Ry, T
p 27 uQ-cm
9= T 05 pm 54 mQ)/O Metals 1-4
p 2.7 pf-cm
=—= =2 ) Al Metal 5
=T 10 pm 7 mQ/O] eta
_p L7 pQem
R, = T~ 04pm 42 m/O0 Cu Metals 1-6
1.7 ug)- :
R, = G i 21 mQ}/0 Cu Metals7-8
T 0.8 pm

Elmore delay calculation:
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Optimal buffer insertion:

Number of stages N =

Size of buffers M= ————
CG(I + B)Rim

Coupling capacitance:

S

T
Cfringe = 80x ln(l + }:[)

Coupling capacitances in delay calculation:

Clateral = Eox

aggressor not switching
CrL= Cgu both switching together
Cp = Cga + 2C,  both switching opposite

Crosstalk noise:

Self-inductance:

di

AV=L—

dt

Mutual inductance:

di, di,
Vl = Ll E + ME
di, di,
V2 = ME + ngt-

Conditions where inductance should be considered in delay calculation:

Rbuffer + Rwire < ]C()L
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Antenna rule:

. Area ...
Antenna Ratio = —

Areag,,
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PROBLEMS

P10.1. Compare the resistance of a 20 mm Metal 5 wire in 0.18 um technol-

ogy with a 20 mm Metal 8 wire in 0.13 um technology (a non-scaled
wire). Use the information provided in the Summary section. Com-
pute the delay for each wire assuming an ideal source and a wire capac-
itance of G, = 0.1 fF/um.

P10.2. Compare the resistance of a 20 mm Metal 5 wire in 0.18 um technol-

ogy with a 14 mm Metal 8 wire in 0.13 wm technology (a scaled wire).
Use the information provided in the Summary section. Compute the
delay for each wire assuming that the wire capacitance is C,;, = 0.1
fF/pum.

P10.3. Two adjacent Metal 5 wires in 0.18 wm technology are spaced outfrom

4\ to 40A in 4A increments. Plot the capacitance per unit length of
these wires as a function of spacing, assuming that they are shielded
above and below. Use minimum width dimensions for the wire.

P10.4. Simulate a distributed RCline as an RC ladder circuit in SPICE with

1 stage, 3 stages (as shown in Figure P10.4), and 20 stages. You can
choose your own sizes but ensure that the total resistance and total
capacitance are the same in all three cases. Measure the propagation
delay for the three cases when a step input is applied at the source.
Derive a delay formula of the form:

T = aRwireCwire

and compute « for the three cases. Comment on the results.
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Figure P10.4

P10.5. Repeat the same experiment as described in Problem P10.4 but this
time use each of the following three models shown in Figure P10.5 in
place of the RC ladder. Which model produces accurate results?

Rwire Rwire
Ryjice 2 2
I Cwire
L-model JTI-model T-model

Figure P10.5

P10.6. Simulate the RC circuit shown in Figure P10.6 using SPICE. Set R, =

R, =R; and C, = C, = C,. Compare the Elmore delay with the delay
derived from SPICE. How accurate are the results for each node using
Elmore? Explain why any particular result is not accurate.

Figure P10.6

P10.7. Wires can be placed into short, medium, long, and very long cate-
gories. Establish rules of thumb for a Metal 5 wire in 0.18 um tech-

nology that quantify each of these categories based on the following
definitions:
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INTERCONNECT DESIGN

(a) Short wires do not require any resistance or capacitance calcula-
tions if they contribute less than 5% to the delay. What is the max-
imum short wire length?

(b) Medium wires must include capacitance in the delay calculation,
but do not require any resistance information. What is the maxi-
mum medium wire length?

(c) Long wires require both resistance and capacitance information
but do not require buffer insertion. What length of wire can
remain unbuffered?

(d) Very long wires require buffer insertion.

Figure P10.8 shows a circuit that has two interconnect lines with a
large coupling capacitance between them.

(a) Estimate the peak value of noise on the victim line when the
aggressor line switches by 1.8V.

(b) What is the effective capacitance loading on the victim for delay
calculation if the aggressor switches in the opposite direction of
the victim?

Net 1
0——————1—  Aggressor

SOfF
I 100fF

Net2 e
20— ———1—— Victim

60fF
L

Figure P10.8

P10.9.

P10.10.

P10.11.

For a 0.13 pwm technology, estimate the range over which inductance is
important assuming a Metal 8 wire. You can assume typical numbers
in the given technology. How does this range compare against the crit-
ical length in the same technology? (See Section 10.2.3.)

The amount of noise injected on a wire depends on the strength of the
driver, rise time of the aggressor, as well as the percent of the total
capacitance that is due to coupling, Create a simple RC model based
on Figure P10.8 that you can use to help you estimate the size of noise
caused by the coupling.

Compare the number of repeaters required in a 0.18 um technology
versus a 0.13 um technology for a 10 mm wire. Use the top layer of
metal and the standard technology parameters to compute the numbers.
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P10.12. Consider an 18 mm Metal 7 wire in a 0.13 um technology. Assume the
wire is 0.4 um wide and 0.8 wm thick with a spacing to adjacent wires
of 2 um. The height above and below to Metal 8 and Metal 6 is 0.5 wm.
Assume Cu for interconnect (p = 0.017 {}-um) and a low-k dielectric
material (e, = 3.0). Assume a worst-case coverage of Metal 6 below,
Metal 8 above, and Metal 7 for adjacent lines that are shielding the wire
of interest.

(a) Compute the resistance per unit length and capacitance per unit
length for this wire.

(b) Estimate the delay of the distributed RC wire, assuming that the

driver is a perfect voltage source and that the load capacitance is
50 fE

(c) Assume that the wire is being driven by a 25X inverter. What is the
new delay?

(d) Now, assume that the inductance is 0.5 pH/pm. Will the induc-
tance be a factor in the delay calculation for this buffer size? Com-
pare hand analysis with results in SPICE.

(e) Now remove the 25X buffer and perform buffer insertion on this
wire using the standard formulas. Should inductance be a factor
for the new wire lengths? Compare your hand analysis with results
from SPICE.
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11.1 Introduction

In this chapter, we address two chip-level design challenges that are dominated by
interconnect issues: power and clock distribution. Here, the word poweris intended
to mean the power and ground distribution systems, which include V,; and Gnd
{or V). The power supply, up to this point in the book, has been assumed to be a
constant value that is available everywhere on the chip. However, it must actually be
routed from the power pads to the gates, memory circuits, and 2ll other functions
on the chip. Furthermore, its value fluctuates over time, depending on the switch-
ing activity on the chip. These variations in the voltage must be tolerated by the
gates on the chip. The same applies to the clock signal. It has been assumed to be
available-at all required points on the chip with a well-defined clock period. How-
ever, it too must be routed from the clock source or root node to the appropriate
destinations inside the chip. It also has some variability in its period and arrival
tirnes across the chip that must be tolerated by the logic circuits.

Power distribution and clock design are now complex tasks that must be done
with great care in deep submicron technology. Gone are the days of simply laying
out metal tracks for the power supply or running a clock signal to all the flip-flops
in the design. Today, many issues come into play and affect the integrity of the
power grid or the clock network. This chapter addresses many of these issues,
although it is difficult to completely describe all of the issues and their interactions

483

350



484 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

in a single chapter. The chapter will highlight the interaction of the power system
with the clock design. Many design groups work on power system and clock design
together so that the complete problem is properly addressed. We will also address
clock generation and phase-lock loop (PLL} circuits as part of this chapter.

11.2 Power Distribution Design

Power distribution, when considered in its entirety, actually involves on-chip and
off-chip issues starting from off-chip de-dc converters, printed circuit boards
{PCBs}, power planes, packages, sockets, power pins or solder bumps, and finally
the connection to the gates. Proper power grid design requires interaction of system
designers, thermal designers, system architects, board designers, and chip designers.
The problem demands global optimization rather than localized chip-level opti-
mization. This section will focus on the chip-level issues, but the reader should keep
in mind that this is only one part of the complete design problem.

Much of the complexity of power distribution systems arises due to the large
number of transistors on a chip, the RLC nature of interconnect, the frequency of
operation, and the current demand of high-speed circuits today. The highest fre-
quency of operation is well over 1 GHz, while power has exceeded 100 W and cur-
rent levels have reached 100 A in state-of-the-art designs. Meanwhile, supply volt-
age scaling to reduce power has led to Vj;, values of 1.2 V and below. Fluctuations
in the power system at these levels lead to timing variations and, eventually, design
failure. Allowable voltage noise in the supply is budgeted at 210% X (Vpp — Gnd)
as a rule of thumb.

In order to manage fluctuations, the total impedance seen from the Vi, pads to
the gate connection must be controlied based on the needed current. The target
impedance of the power grid as seen from the pads is given by

. Vpp X (fractional noise budget)

(11.1)
EDD _

For a supply voltage of Vyp = 1.2V and a supply current of I, = 100 A, Z =
1.2V X (16%)/100 A = 1.2 m{). This is an incredibly small number to achieve over
the gigahertz frequency range and makes power distribution design very challenging.
The noise on the supply is primarily due to IR drep and Ldi/dr as will be
explained later. At this stage, it is sufficient to realize that voltage drops occur on the
power grid due to the resistance and inductance along the current path. These volt-
age drops affect clock skew, gate performance, and clock and PLL timing jitter.
There are also issues of power grid electromigration that affect long-term reli-
ability. The metal migrates due to the croding effects of large currents and eventu-
ally breaks. Ultimately, the power systern design will limit the system performance
and may lead to failures in the field. Therefore, it must be designed carefully te avoid
such potential problems that are collectively called power irntegrity issues.
. Oneapproach that has been used in the past is to overdesign the system to avoid
any potential failures. Overdesign is 2 term used often by designers when design risks
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switching events can occur anywhere on the chip and, therefore, all regions are sus-
ceptible to IR drop violations. The ground grid is subject to the same type of prob-
lem when the outputs switch low, except that the value will increase in voltage. This
is sometimes referred to as ground bounce.

Voltage drops on the power grid primarily affect timing. The effect of IR drop
on performance can be significant. IR drop reduces the drive capability of the gates
and increases the overall delay. Typically, 2 5% drop in supply voltage can affect
delay by 10-15%, or more. Such an increase becomes serious when managing clock
skews in the range of 100 picoseconds. In the previous chapter, we found that path
delays are no longer predictable due to interconnect issues. This problem is exacer-
bated by IR drop. Ideally, timing calculations should account for worst-case IR drop
to ensure a working design. The analysis can be carried out using process corner
simulation, as described in Chapter 3.

IR drop also compromises the noise margins of logic gates, due not only to voli-
age drop in the power grid, but also to the increase in voltage in the ground grid.
Once the noise margins drop below the budgeted amount, typically 10%, the design
is not guaranteed to operate properly. Over the years, supply voliage has been
shrinking to avoid transistor punch-through conditions, hot-electron effects, and
device breakdown. More recently, V, scaling has been driven by the need to reduce
power dissipation rather than the other issues. Either way, this has resulted in
smaller and smaller noise margins. With IR drop, the margins are reduced even fur-
ther which makes it more difficult to manage the effects of interconnect coupling
noise in 2 multimillion-transistor design.

Now consider the Ldi/dt term of Equation (11.2}. This is another source of volt—
age drop in the power supply due to package pin inductance—typically around
1-2 nH. The inductance arises from the bonding wire used to connect the chip /O
pads to the lead frame in a traditional dual-inline package (DIP), as in Figure 11.2a.
While the inductance L has not changed significantly over the years, the value of
dif dthas continued to increase and the supply voltage has been decreasing from 5V
to 3.3V, 2.5V, 1.8V, and recently 1.2 V and below. These trends have reached a pomt
where the Ldi/dt drop can contribute significantly to an overall voltage drop in the
power grid, especially in peak demand situations.

Today, many companies have moved to a ceramic bali-grid array (BGA) pack-
aging due to the high number of chip I/O and power and ground connections
needed. In this packaging technology, solder balls or bunps replace the pins of the
DIP as shown in Figure 11.2b. The bumps can be placed anywhere in the chip area
and allow 300 to 300 /O connections, This is a more expensive solution but must
be used whenever the I/O count exceeds the capacity of the previous packaging
technologies. The inductance of each solder bump is of the order of 0.1 nH.

Consider the example of Ldi/dt on the BGA package option shown in Figure
11.3. Here, the power supply is driving a few large inverters and we assume that the
resistance of the line is zero, The inductances of interest are the ones due to the sol-
der bump and via connecting from the bump and the package plane (providing
clean power). A current level of 25 mA is supplied by Vp; and flows into the circuit
over a 100 ps time interval. At this same time, some of the buffers are discharging
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Figure 11.2
Chip packaging options.
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Figure11.3
Effect of off-chip Inductance.

through Vi with roughly the same level of current in the same time period. If the
bump and via generate 0.2 nH of inductance, then the total voltage drop due to the
inductance on both rails is

di 253 mA
V,=2XLZ=3%02nHX = 100 mV
160 ps

dit

This is a significant drop considering that the supply voltage may only be 1.2 V. Far-
thermore, this is only one of the voltage drops to consider. If the inductance of the
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Figure 114
Combined resistive and inductive effects of power/ground system.

power system is included, we will begin to observe Ldi/dt effects due to the power
grid itself, in addition to the pin inductance. We also neglected the resistance of the
power grid, and the fact that many other buffers may be switching at the same time.

The overall voltage drop due to both Ldi/dr and IR, which are both dynamic
phenomena, requires the modeling approach shown in Figure 11.4. The packaging
inductances, power grid inductances, and power grid resistances must all be con-
sidered together with an RLC model of interconnect. Of particular concern are sit-
uations that give risc to simultanecus switching noise {SSN) where many buffers
switch together producing large IR drops and ground bounce,

11.2.2 Electromigration

The high currents experienced in the power grid also induce electromigration (EM)
effects where metal lines begin to migrate and eventually break during the opera-
tion of the chip. The process involves the migration of metal molecules due to the
high current densities and narrow line widths leading to a short or open in the metal
line. Once this occurs, the chip may not function as expected or may no longer meet
the timing specifications. Existing cracks or other imperfections in the metal lines
are particularly prone to this problem since they are already weak links in the power
system. Failures due to EM can be catastrophic because they occur in the field when
the chip is in a system and in a customer’s hands.

An example of an electromigration failure is shown in Figure 11.5. In the past,
low current densities and wide metal lines, combined with special processing,
reduced the likelihood of EM. As we exceeded speeds of 100 MHz, and reached
geometries below 0.8 um, the potential for EM problems increased in aluminum.
One of the reasons for switching to copper was its superior performance with
respect to electromigration. Cu is approximately 10 times better in terms of EM
than Al, but Cu diffuses quickly through oxide and it was not used in ICs because
of this problem. However, advances in processing technology to solve this problem
led to the eventual switch from Al to Cu. Initial EM results of Cu indicate that it is
slightly better than Al, but large improvements are expected as the technology
matures, Unfortunately, today the copper vias experience a greater degree of EM
failures compared to the tungsten vias used with aluminum.
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Figure 11.5
Electromigration failure in power bus,

Electromigration in the power grid is a function of the average current flow in
metal lines and vias. Current flows primarily in one direction in each power bus,
since it is delivering current from the power pad to the gate in the case of V), (see
Figure 11.1). Therefore, it is called 2 dc phenomenon. To assess the EM tolerance of
a piece of metal, we can examine its average dc current density, J, and compare it to
some allowable level, ], when EM failure occurs. Since metal lines vary in height
and material properties at different levels in the design, each metal layer may have a
different failure criteria. :

It is useful to characterize the lifetime of a chip due to long-term reliability
problems through a metric called the mean time to failure (MTTF). If the value of
MTTF is 5-10 times greater than the expected lifetime of the product in which the
chip is embedded, then we can safely ship the design to customers. However, if the
chip lifetime is less than the product lifetime, improvements to the design must be
made. Black’s law is used to estimate MTTF of 2 metal line using the average cur-
rent density, J, and the activation energy’ of the failure, AH:

MTTF = %exp(ﬁxH/’fcﬂ (11.3)

! Blectromigration is modeled as a diffusion process that is thermally activated ot a given energy level. The acti-
vaticn energy depends on the diffusion mechanism, either through the lattice (AH = 1.4 eV) or across the
grain boundaries {AH = 0.6 eV).
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Here, MTTF is the median time to failure in an ensemble of samples and A is an
empirical fitting coefficient. The MTTF is inversely proportional to P and is very
sensitive to temperature. For a target MTTE, the value of ], can be determined
from the equation in units of amperes/cm?, A typical value of . is approximately
105 Afem?, or 10 mA/zm? This value is compared with the actual current density
in each segment to evaluate the potential for electromigration.

Exam_pie 11.1

Use of MTTF to Establish Maximum Allowable Current Density

Problem:

A design has a required lifetime of 10 years. Measurements for Al electromigration
using an accelerated testing method indicates that A = 2 X 1¢/ hr-cm?/ampere
and AH = 0.85 eV. What is the maximum allowable current density in Al intercon-
nectat 125°C? -

Solution:

The MTTF is the time at which 50% of the parts will fall, that is, &5, For a desired life-
time of 10 years, the MTTF should be 5-10 times larger than this value. We will use
a factor of 10 to be on the safe side:

ts = MTTF = 10 X 10years X 365 days X 24 hours = 8.8 X 10° hours

Using Equation {11.3), we can solve for /..

J, —\/_‘ﬁ-ex (E) = ;2{107} ex ( 0.85¢V )
mex =\ o SPATT ) T Vee(105) TP\ 862 X 10 %eV/K(398°K)

= 8.95({10°)A/cm?

This value can be used as the maximum tolerable current density for electro-
migration.

The current density in each wire segment is computed using the wire dimensions

g 11.4
WX T (11.4)

]avg =

where Wis the wire width and T'is the wire thickness, The criterion for electromi-
gration failure is

Jovg = Jron (11.5)

This comparison must be performed for every segment and via in the power grid to
identify those nets that are prone to EM failure in the prescribed lifetime. Failing
metal segments and vias must be modified, typically by adjusting the wire width
according to Equation (11.4), until condition (11.5) is no longer violated. Not all

357




358



492 ANALYSIS AND DESIGN OF DIGITAL INTEGRATED CIRCUITS

Black & Block B Biock A Biock B

(a) (b}

Figure 11.7
Power routing options.

vertically and interleaved so that at the lowest level they can be connected to the
gates at the appropriate contact points. Of course, this type of routing does not fully
account for the different types of blocks at the lower level, such as memory, logic,
clock, and bus drivers, that may be connecting to the supply. However, the general
idea of distributing power routes around the chip is conveyed in this diagram.

The power distribution systern should be designed to route current to the gates,
taking into account IR and EM. This requires a more careful consideration of the
routing methodology. For example, consider the two blocks in Figure 11.7a. i power
is routed through Block A to Block B, a larger IR drop will occur in Block B since
power is also being consumed by Block A before it reaches Block B. As more and more
blocks are added, the complex interactions between blocks determine the actual volt-
age drops. The placement of these blocks is typically based on the timing require-
ments of the system or the size and shape of blocks at the floor-planning stage. There-
fore, sizing the power buses properly to minimize IR drop, while satisfying the
required timing and area constraints, is a key design challenge.

The power busses could be widened to lower the resistance of the lines as in Fig-
ure 11.7b. The large metal trunks of power have to be sized to handle all the current
for each block. Although routing power in this way makes it easier to manage IR
drop, it also requires more area to implement. This forces designers to set aside large
areas for power busing that takes away from the available global signal routing area.
Since the same routing tracks are used for clocks, busses, and other global signals,
the tradeoff between power and signal routing must be carefully managed.

Other alternatives are shown in Figure 11.8, In Figure 11.8a, current is delivered
from both ends of the block thereby minimizing IR drop in the middle. Since the
total IR drop is based on the resistance seen from the pin to the block, one could
route around the block and feed power to each block separately as shown in Figure
11.8b. Ideally, the main trunks should be wide enough to handle all the current
flowing through separate branches. However, the T-junctions have a high current
density as current crowding occurs around the bends. It is important in this type of
grid to examine the current density at all junctions, especially the corners, to ensure
that EM problems do not exist.

Another approach to minimizing IR drop, depicted in Figure 11.9, is to have a
grid of two metal layers. In the figure, assuming a five-layer metal process, Metal 4
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Figure11.8
Simpie technigues to reduce /R drop.

Figure 11.9
Vias in a mesh array methodology,

and Metai 5 use a via array to connect the two layers, effectively tying the whole grid
to Vpp. However, part of the grid may have to be removed to route some signals. If
you arbitrarily remove a strap that is conducting a large amount of current, the
excess current must flow in adjacent straps that may push the current density in
them beyond acceptable levels for electromigration. These examples all illustrate
that design tradeoffs must be made with both EM and IR in mind.

11.2.4 Decoupling Capacitance Design

On-chip decoupling capacitances {decaps} are commonly used to keep the power
supply within the noise budget, especially during peak demand periods in high-
frequency switching applications, The decoupling capacitors are large-valued capac-
itances that hold a reservoir of charge located near the power pins and any large driv-
ers, as shown in Figure 11.10. When large buffers switch from low to high, these
decaps are the first line of defense for IR drop and Ldi/dt effects. The needed current
for the switching process is obtained from the local decap. Later, current flows from
the V;,;; pad to refill the reservoir of charge for the next switching operation.
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Cri-chip decoupling capacitance,
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Figure 11,11
Cn-chip decap using MOS capaditance,

The on-chip decoupling capacitance is usually implemented using an NMOS
transistor with the gate connected to Vi, and the source/drain connected to Vg,
The device is therefore in the linear region of operation. This is iflustrated in Figure
11.11 where the parallel-plate capacitor is formed by the poly on one side and the
channel inversion layer on the other., A first-order czalculation of the capacitance is
given by

Cdecap = CMWL

and therefore the required decoupling value can be obtained with the proper choice
of Wand L.

A more accurate model would include the fringing and overlap capacitances of
the poly edge to the source/drain regions:

Clecip = Cox WL + C W

The two main design issues are to decide how much decoupling capacitance to
include and where to place them. Assuming that we somehow know the amount of
decap needed, we must select the proper values of Wand L to optimize the decap
while achieving a target capacitance value. The selection of the proper value of W
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Figure 11.12
Simulation of patch area of chip,

and L can be based on a large number of simulations of inverter circuits with decaps
as in Figure 11.10. The location of the decaps should be based on the location of the
large buffers that are switching during the peak demand periods. Simulations can
be carried out on a representative patch of the power grid between power bumps,
shown in Figure 11.12. The power bumps are essentially the solder bumps con-
nected to Vipp. Any circuitry connected to the grid should represent the types of
buffers and drivers that will typically be found in the design,

There are many factors to consider when deciding how much capacitance to
employ and where to place them. First, there is a certain amount of decoupling that
is already present in the circuit due to the devices that do not switch. This includes
gate and source/drain capacitances, as well as wire capacitances, for all nodes that
are charged up to Vp;,. This value may be subtracted off the target decoupling
capacitance needed in the circuit. We also need to know the noise budget, the
switching activity of the circuit, the current provided by the power grid and the rate
of change of current with respect to time. Since the actual location and amount of
decoupling capacitance are difficult to determine in an optimal way, some rules of
thumb are used to ensure proper performance. Typically, the decap amount should
be 10 times the switching capacitance, and decaps should be placed in as many open
areas of the chip as possible. In addition, decaps should be located near the power
pins to offset any effects of inductance due to solder bumps or bonding wires.

11.2.5 Power Distribution Design Example

To reinforce many of the concepts described in the previous sections, we sequence
through a power distribution design example. Figure 11.13 shows an actual power
distribution system for a large digital chip. Only the metal lines associated with the
power grid are shown here. There are large blocks that are clearly distinguishable in
this design. Each block was designed by a separate group. The horizontal and verti-
cal patterns of the power grid are quite evident in each block. The memory block in
the lower middle portion has a high-density grid as would be expected by the den-
sity of memory circuits. This chip example will be used several times in this chapter.

To illustrate a possible tradeoff between IR drop and electromigration, we first
plot a contour map of the IR drop for the chip, as shown in Figure 11.14. The two
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Figure 11.13
Exampie of a chip power distribution system.

plots show the voltage drop in the power grid with different shading levels to indicate
the severity of the drop. This type of plot is generated by extracting all the resistors in
the physical power grid and assembling a large resistive mesh; the logic circuits and
memory blocks are then represented as ideal current sources and attached to the resis-
tive grid. Each current source is assigned the average current level of the correspond-
ing gate. A simulation is performed to compute the voltage drop at every point in the
grid, and this voltage is assigned a grayscale value and plotted in the figure.
Consider the IR drop plot on the left side of Figure 11.14. The large oval region
near the center of the chip is a region of excessive IR drop. In fact, it violates the 10%
noise budget assigned to the power grid. The reason for the viclation is that the
lower part of the grid is not connected to the upper part of the grid. This was inad-
vertent since the chip was assembled simply by connecting the separately designed
blocks together. Unfortunately, the upper portion of the grid must derive all needed
current from the six or seven Vpp pads around the periphery of the top portion of
the chip. To remedy this problem, the designer simply connected the lower portion
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Each failure is based on whether or not a given section of metal satisfies the EM cri-
terion based on Equation {11.5). The equation requires a calculation of the current
density, J, This value is simply the dc current in the metal line divided by its cross-
sectional area. Once computed, if the J,,, of the segment is less than a specified level,
], then the metal segment is flagged as a violation. Since large currents flow at the
boundaries of the chip, we would expect more violations in these regions. This is
confirmed by the locations of the dots in the two figures.

The left-hand side figure shows the violations before the straps were added to
fix the IR drop problem. The right-hand side figure is the picture for EM violations
after adding straps. Notice that the Jower portion of the grid experiences more EM
violations than in the other diagram. This is due to the fact that the lower portion
of the grid is now supplying more of the current to the upper portion and the metal
segments have a higher current density. Some of the densities are high enough to
violate the EM criteria, Clearly, the power system must be redesigned by consider-
ing both IR and EM together.

Electromigration failures can be reduced in several ways. The basic idea in all
approaches is to reduce the average current density experienced by any metal seg-
ment. The simplest approach is to widen the metal lines. However, increasing the
width beyond a certain point leads to overdesign, which costs area and can reduce
yields. Another approach is to change the current flow in the power grid itself by
adding jumpers and straps between different points in the grid. This would reroute
current from the affected areas, but such changes would require another verification
pass to confirm that the problem has not simply been moved to another part of the
design. Switching to copper is perhaps the most significant step toward reduction or
elimination of these types of failures in metal segments. However, electromigration
in vias and the local heating of neighboring lines may be limiting factors in the ulti-
mate improvement that can be achieved using Cu.

Reducing the impact of IR drop in a power distribution system can be accom-
plished in several ways. The simplest apprcach is to widen the lines that experience
the largest voitage drops since increasing the width decreases the resistance (and the
iR drop). However, this may not always be possible due to constraints in the rout-

. ing area. Another approach is to add/remove metal straps as mentioned above. Since
IR drop is due primarily to simultaneous switching events, another approach is to
stagger the gates that are switching together such that they switch at slightly differ-
ent times—at least enough to keep the problem within the noise budget. Alterna-
tively, buffer sizes can be reduced, but this may not be possible if the design fails to
meet performance requirements with smaller devices.

The most effective approach is to use decoupling capacitors between power and
ground, which can deliver the additional current needed by the power distribution
system. As described earlier, a decoupling capacitor is a large capacitance that is con-
nected from Vpp, to Gnd typically using a large MOS transistor. The charge stored
in the decoupling capacitors is used to initially provide current to the gates, thereby
reducing the IR drop and Ldi/dt effects. These decoupling caps are usually scattered
throughout the design in any available space, using transistors with their gates tied
to Vpp and their source-drain regions tied to Gnd. All empty regions of the chip are
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Definiticns for ciock jitter

inputs around the chip are different. The dock skew is defined as the maximum dif-
ference of the clock arrival times to the inputs of FFs, Another important parame-
ter is clock latency, as shown in Figure 11.16. The latency is defined as the maximum
delay from the clock source to any EF clock input. This is important since it deter-
mines whether the external system clock is properly synchronized with the intérnal
clock. Ideally, we would like the internal and external clock edges to be positioned
at the same point in time. Otherwise, the chip [/O will require large setup and hold
times to account for latency. The clock rise/fall times should be small and kept about
equal, but this requires the use of large buffers. Unfortunately, clock networks with
large buffers can consume a large portion of the total power of synchronous VLSI
systems (up to 40%;). The clock design objectives must be attained while minimiz-
ing the use of system resources such as power and area.

Another important metric for the quality of a clock is the clock jitter. This is the
variation of the clock period from one cycle to another, as seen in Figure 11.17. Nor-
mally, we expect the clock edge, either rising or falling, to be at the same point in
time, spaced by a period T_.. However, a variety of factors move the clock edge
around from cycle to cycle. This may be viewed as an error or uncertainty in the
clock edge or an uncertainty in the clock period. If we superimposed the clock
waveform over each period, we would notice it drifting back and forth over time.
This is the effect of jitter. The difference between skew and jitter is that skew is the
difference between the same clock edge at two different locations on the chip; jitter
is the difference between the expected time of the clock edge and the actual time at
the same point in the chip.

There are a couple of ways to measure jitter as shown in Figure 11.17. One
approach is to use a clock signal without jitter as a reference, such as the first clock
that is evenly spaced by a given period T, ;.. The second clock has jitter and its clock
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Clock skew example,

in one corner of the chip while the target flops are scattered around the chip. The
arrival times of the clock to each of the FFs will be slightly different; some will
receive the clock early while others receive the clock late, refative to each other. The
delay differences are due to differences in the length of the global wire from clock
to FF, gate delays along the different paths, and the fanout driven by the signal. If we
examine the FFs in each corner, the two near-end FFs will have a smaller skew rela-
tive to each other {early clock), whereas the one that is diagonally oppasite to the
clock will have a large skew (late clock).

At first, this skew appears to be more an annovance than a problem. In reality,
it can greatly affect the perfermance and proper functionality of the overall system.
To illustrate this, consider the situation shown in Figure 11.20. In the upper part of
the figure, a sequential system is shown with positive-edge triggered flip-flops at
each end and a combinational “cloud” representing the logic gates between the
flops. There are multiple paths through the logic that can be characterized by two
parameters: the worst-case path with delay T,,.x, 2nd best-case path with delay,
Ty

Now, consider the effect of skew on cycle time. In Figure 11.20, assume that the
clock arrives early at the far-end fiop and late at the near-end flop. When the clock
arrives at the near-end flop, it launches new data into the combinational cloud (i.e.,
into the Jogic block} after a delay of T, which is a property of the flop, as dis-
cussed in Chapter 5. This is followed by 2 maximum delay of T,y through the
logic. Upon arriving at the far-end flop, a setup time for the flop, T, must be sat-
isfied. The three components, Ty, o+ Tipgax+ Tyerap Would normally comprise the
cycle time, T,

However, if the clock arrives early at the far-end flop due to skew, we may have
a problem as shown in the waveforms of Figure 11.20. The early clock of the next
cycle would arrive and latch data that are not vet stable from the current cydle,
according to the setup time. This would cause a functional errer in the circuit.
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Figure 11.20
Effect of skew on cycle time.

When circuits do not meet the requirements of the cycle time, it is usually referred
to as a setup time violation, even though it is due to skew. There is a simple solution
to this problem. If we increase the clock period by T, we can guarantee that the
circuit always works. However, the penalty is that the cycle time is longer by the
skew value. The new cycle time is given by

Tqr’de = Tclk—q + Td‘vﬁl)( + Tse?.up + Tsi;ew (11.6)

Next, consider Figure 11.21. Here the arrival times of the clock at the flip-flops are
reversed. This time we are concerned about the shortest path through the logic
block. When the early clock arrives at the first flop, the logic propagates through the
combinational cloud and the fastest signal path reaches the second flop in a time
Tosq™ T If this is too fast, there is a problem. When the late clock arrives at the
second flop in the same cycle, it latches the incoming data regardless of whether
they are the correct data or not. It may inadvertently capture the new (incorrect}
data. The skew is working against the goal of latching the right data. Why? Because
if the new data arrives before the hold time of the previous data is satisfied, the sec-
ond FF incorrectly samples the new data instead of the correct data. This is referred
to as a hold time violation as shown in Figure 11.21. Note that this problem cannot
be solved by slowing down the clock. The criterion for proper operation is that

Toew * Toola < Tak-g + Taum {11.7)

To overcome hold time problems, the designer must increase the delay of the short-
est paths that violate Equation (11.7). This can be accomplished by adding buffers
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Figure 11.21
Effect of clock skew on functionality.

or reducing the size of some of the existing gates, Care must be taken so as not to
inadvertently increase the delay of the longest paths. Ultimately, the clock circuit
must be designed with minimum skew to reduce the number of potential setup and
hold problems.

11.3.3 Effect of Noise en Clocks and FFs

At this stage, it is useful to point out some of the serious consequences of noise due
to crosstalk, as described in Chapter 10, especially relating to clocks and flip-flops.
Consider the positive edge-triggered D-flop of Figure 11.22a. Normally, when the
clock goes from high to low, the D-flop continues to hold the output signal at its
previous value. However, if a capacitive or inductive noise event couples to the clock
node and is fed to the FE it may inadvertently capture a random value at the D
input. Here, the clock has a short positive-going edge during a fall transition. It is
positioned at the switching threshold of the flop and triggers a capture event at the
input. It is critical that noise events due to interconnect be eliminated when design-
ing the clock distribution network.

A second case is shown in Figure 11.22b where the clock is free of any glitches,
but the datza input experiences a coupling noise event. Again, it occurs exactly when
it cannot be tolerated (according to Murphy’s Law)—on the positive-edge of the
clock—and therefore the wrong value is captured. The noise does not satisfy the
setup and hold requirements of the FE but it still produces an unwanted change at
the output. Therefore, a significant amount of noise cannot be tolerated at the data
input fo the FE
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Effect of coupling noise on FF performance.
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Layout scluticns to coupling problems.

To limit noise events around FFs, one can employ the spacing and shiclding
techniques described earlier. For example, in Figure 11.23, signal B and the Clk sig-
nal are situated very close to one another. There is a potential for noise events
between these signals due to coupling capacitance. The possible layout solutions are
to separate B and Clk by a sufficient spacing or to shield the Clk with V,,,, and Gnd.
The spacing approach has a lower capacitance and therefore reduces power to some
degree. However, the shielding is beneficial for both capacitive coupling and induc-
tive coupling. Typically, clocks are shielded to protect them from unwanted noise,
but also to protect other sensitive signals from unexpected mutual coupling to the
clock. The price of shielding is increased capacitance and power dissipation.
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11.3.4 Power Dissipation in Clocks

The total power dissipation in a clock circuit can be significant. As mentioned ear-
lier, it may constitute 30-40% of the total power in high-performance designs. The
most dominant component of the power is due to dynamic switching:

P= CVip fu

Note that the & term is not present in this expression since the clock switches on
every cycle. Effectively, a = 1. Since the frequency f,, and the supply voltage Vi are

“known, the only term left to compute is the capacitance value, C. The capacitance

due to the clock is very high in large digital circuits, possibly in the nano-Farad
range.

As an example, consider a 0.18 um technology with V,, = 1.8 V. If a circuit
operates at 500 MHz and has a clock capacitance of 1 nF the total power of the clock
circuit alone is

P= {1 nF){1.8)*(500)(10%) = 1.6 W

The capacitance of the clock arises from many sources. First, the interconnect
capacitance of the metal lines is a major source of capacitance. Second, there are
large buffers used in the clock distribution network that give rise to large fanout and
self-capacitance terms. Third, there are capacitances associated with the inputs of
the flip-flops driven by the clock. Finally, there is another source of power dissipa-
tion whenever the FFs are triggered. That is, the flops themselves consume power
each time the clock signal switches. When designing the clock distribution network,
it is important to minimize all of these capacitances since they contribute directly
to the power.

One popular technique is clock gating. It is a relatively simple concept, as shown
in Figure 11.24. If a functional unit is not required for an extended period of time,
the clock feeding the module is turned off by means of an Enable signal that is
ANDed with the clock. Most functional units are inactive a majority of the time. For
example, a floating-point unit may be inactive while a number of integer operations
are being performed. If the clock continues to toggle the D-flops associated with

b ¢ D ogr— —|P ¢
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Ctk -__\_
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Figure 11.24
Gated clock 1o reduce power,
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this unit, power is being dissipated unnecessarily. Clock gating can disable the unit
to save the power that would be consumed by the flops.

There are a number of issues assoctated with clock gating. First, it is important
to decide whether gating is appropriate for a given block. Clearly, a gated clock at
the input of all flops does not save much power, Therefore, the location of such
gates around the chip should be determined carefully. Second, the gate may add
skew to the clock, so it must be inserted in a balanced way. That is, even if certain
blocks do not require it, a gate should be added to maintain balance. But this runs
counter to the first issue. Third, a certain amount of logic circuitry is needed for the
Enable signal that may affect performance or consume power. Depending on the
complexity of the clock gating, this tradeoff should be monitored to ensure that a
gain here is not offset by a loss elsewhere, And finally, timing verification complex-
ity and reusability of a block are additional considerations for this approach, Nev-
ertheless, this technique is very popular as it saves unnecessary clock activities inside
the gated module.

11.3.5 Clock Generation

With the basic definitions and design considerations completed, we now turn our
attention to the design of the clock circuit itself. A simple technique for on-chip
generation of a primary clock signal is to use a ring oscillator as shown in Figare
11.25. A ring oscillator has an edd number of inverter stages and produces an oscil-
lating signal at each node. The peried of oscillation is determined by the delay of
each stage and the number of stages. This type of clock circuit has been used in low-
end microprocessor chips. However, the generated clock signal can be quite process-
dependent and unstable. Consequently, separate clock chips that use crystal oscilla-
tars have been used for high-performance VLSI circuits.

Usually, a VLSI circuit receives one or more primary clock signals from the
external clock source and then generates necessary derivates for its internal use.
Typically, we must generate both true and complementary clock signals for internal
use. Figure 11.26 shows a CMOS generator/driver that uses a transmission gate
(TG) delay element. The first driver of the chain is an inverter with transistors Mp1

e > D
e oD

Figure 11.25
A simple on-chip clock generator using a ring oscillator.
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Figure 11.26
A clock generator with a ransmission gate delay.

and Mnl. The top branch of the chain consists of two cascaded inverters and gen-
erates a signal & = CLK, whereas the bottom branch consists only of a single
inverter and a transmission gate and provides ¢ = CLK. The TG is used as a delay
element to minimize the clock skew between the two generated signals.

Another simple approach uses an SR latch to generate two-phase clock signals
(see Figure 11.27). This circuit has two weaknesses that should be checked and prop-
erly designed. First, the input CLK signal propagates through an additional inverter
to generate ¢ The second problem is related to the first one. The NOR gates should
not be designed to be equal in size, but rather their output signals should have an
identical response. The design should also take into account the total capacitance of
the interconnect that is dependent on the layout topology.

CLKX

%

Figure 11.27
Latch-based clock generator.
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(a)] Clock tree with tepered wire widths. (b} Clock tree using a wide-bus. () Fat bus clock tree
implemeantation.

The construction of a fat clock bus {Figure 11.29c) requires a very large clock driver,
thus the driver and the interconnect will consume large amounts of power. How-
ever, since delays of the clock tree are dominated by the capacitance of the wide-bus,
the bus-te-clock interconnection can be done simply and efficiently.

Because of the significant delays associated with long wires in clocks, the
designer must insert buffers at various points along the clock wire, In essence,
buffer-oriented solutions partition the large clock network into small segments. The
main challenge of any buffered clock architecture is to maintain balance in the
delays. Several examples of buffered clock distributions are shown in Figure 11.30
and Figure 11.31. Figure 11.30 shows three conventional clock-tree networks. The

N
oD b
E N > |

(@) (b} {c}

VY VY

Figure 11.30
{a) Buffer chain with tapered sizes driving clock tree. (b} Clock power-up tree with uniform buffer
size (2} Clock power-up tree with taperad buffer sizes,
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Figure 11.32
Clock tree routing for industrial chip.

number of major spines, from which local clocks emanate. The two empty regions
are the memory and data path areas. The clock drives the decoders in the memory
circuit (just below the masn spine label) and the data path is driven by the clock
spine on the right side. The rest of the blocks obtain their local clocks from internal
spines that run through them.

The buffers in this clock tree are of the form shown in Figure 11.30b with uni-
form sizes. These buffers draw a significant amount of current when switching. In
fact, the section labeled local clock distribution has such a large number of buffers
that, when they switch simultaneously, it creates significant IR drop in the power
grid. Recall from Figure 11.14 that the IR drop was most significant in this region
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Figure 11.33
Electromigration effects in signal lines due to ac and d¢ current flow,

and violated the 10% noise budget. This IR drop translates into additional delay,
resulting in additional clock skew. Ironically, the clock itself is causing the problem
of IR drop. This is why the clock and power distribution systems are oftens designed
together. _

Recently, electromigration (EM} problems have been encountered on clock sig-
nal lines as a result of large currents that flow back and forth on these lines. EM on
signal lines is therefore an ac phenomenon. As a result, we must compute the root-
mean-square (RMS) value of the current rather than the average current {which
tends to be close to zero for the ac case). The RMS current density, .., s compared
to another EM limit, Jic ..., that is based on ac Joule heating as current moves back
and forth in the wire. A typical value of Jir .. is 20 mA/um? The failure criterion is

}fms > }ﬁc,max (11’8}

If the actual RMS current density is below the tolerable amount, the signal line is
expected to have a lifetime well beyond the life of the corresponding product.

Consider Figure 11.33 which illustrates the EM problem areas for the clock. The
metal segments at the output of the gate experience both unidirectional {dc) and
bidirectional (ac} carrent flow mechanisms. Most of the wire encounters bidirec-
tional current due to charging and discharging of capacitances, Therefore, the cur-
rent density criteria would be based on Equation {11.8) for EM failure. However, a
short unidirectional segment of metal connects the PMOS devices to the NMOS
devices, It would be evaluated using the criteria in Equation (11.5) for EM failure.
In the figure, the criteria to pass the EM checks are shown for each of the two seg-
mernts.

Figure 11.34 shows the results of an EM analysis on a portion of the clock tree
of Figure 11.32. The areas that are highlighted with squares have violated the EM cri-
teria, either (11.5) or {11.8). All signal EM failures must be fixed since any break in
the wire is catastrophic. Again, wire widening is the typical solution to this problem.
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EM failures

Figure 11.34
Signal EM failures in cdock tree.

*11.4 Phase-Locked Loops/Delay-Locked Loops

In this section, we examine the problem of synchronizing the externally supplied
master clock with the internal clock of the chip. In digital VLSI systems with multi-
ple chips on a printed circuit board {PCB} or in system-on-chip (SOC) applications,
severe problems may arise due to Jatency between the master reference clock and
locally generated slave clocks. The value of the on-chip clock latency may differ from
chip to chip or from module to medule. Since the data transfers are synchronized
with the slave clocks, timing hazards may occur and/or data errors may be generated
(data may be sampled at a wrong time). These problems can be rectified using phase-
locked loop {PLL} and delay-locked foop (DLL) circuits.

On-chip PLLs can be used to synchronize the internal clock of a chip with the
external clock and data, and to generate the internal clock signal running at a higher
rate of operation than the external clock input. Consider the timing diagram of

-~
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Cn-chip PLL for clock synchronizaiion,

Figure 11.35a. The external system clock of the PCB is the off-chip clock. This clock
is fed into a chip to be used as the internal clock as shown in the top portion of Fig-
ure 11.35b. The on-chip clock is buffered to drive the flops or latches of the logic
blocks. However, the delay through the clock buffers and wires (i.e., clock latency)
creates a difference between the internal and external clocks as seen in clkl of Fig-
ure 11.35a. This leads to additional setup and hold requirements at the I/O pins of
the chip. Ideally, we would like the two edges to line up so that the internal clock is
synchronized with the external clock, as in the clk2 waveform of Figure 11.35a. To
do this, we could use a delay-locked loop or phase-locked loop, as shown for clk2 in
Figure 11.35b.

The PLL and DLL circuits are closely related.? Both use feedback control to lock
the output clock to the incoming clock. PLLs must lock on to the frequency and
phase of the reference ciock, whereas DLLs simply lock to a constant phase of the
reference clock. Therefore, the locking process in a PLL requires more time (since it
must first lock on to the frequency and then the phase) than a DLL (since it must
only lock on to the phase}. If we simply want synchronization, we could use 2 DLL.
However, if we needed the internal clock to run at a multiple of the external clock
frequency, we must use a PLL.

The PLL and DLL feedback control systems have very similar architectures, as
will be seen shortly. The main difference is the use of a voltage-controlled oscillator
(VCO) in the PLL and a voltage-controlled delay line (VCDL) in the DLL. There ate
also differences in the stability properties of the two types of loops, and their abil-
ity or inability to perform frequency synthesis. Many books on analog design cover
these types of circuits and their properties in great detail due to their widespread
use in other applications.

As digital designers, it seems that PLLs/DLLs are beyond the scope of this book
due to their analog nature. This is essentially a true statement. However, it is impor-
tant to understand the basic operation of a PLL circnit, as well as DLL, due to their

¢ Even their names imply that they are related. That is, the term defay in the time domain has the same mean-
ing as phase in the frequency domain.
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increased use for skew management, clock synthesis, and data and clock recovery.
We therefore present the operation and design considerations from a digital
designer’s point of view using a basic PLL block diagram as a guideline. The reader
is encouraged to consult the references at the end of the chapter for further infor-
mation.

11.4.1 PLL Design Considerations

Figure 11.36 shows a block diagram of a charge pump PLL for clock synchroniza-
tion and clock synthesis. It consists of a phase/frequency detector (PED), a charge
pump {CP)}, a loop filter (LPF), and a voltage-controlled oscillator {VCO}. The
phase detector detects the phase difference between the reference clock and the
VCO output and applies charge-up or charge-down pulses to the charge pump.
These pulses are used to switch voltage or current sources, which charge or dis-
charge its output. The pulses are filtered by the loop filter and applied as the con-
trol voltage of the VCO, The VCO changes its oscillation frequency according to the
control voltage. If the VCO oscillates at a multiple of the input frequency, it must be
divided down before a comparison is performed in the PFD.

The phase/frequency detector (PFD) is a circuit that detects the difference
between the edges of the reference clock (Ref) and the feedback clock (FB). A sim-
ple version is shown in Figure 11.37a consisting of two D-flops and an AND gate.
The D-inputs are tied to 1. The role of this circuit is to control the YCO by moving
its frequency up or down depending on the edges of the incoming clocks.

The truth table for the PFD is given in Figure 11.37b. If the up and down sig-
nals are both 0, then the desired frequency and phase have been obtained and the
PLL is in the locked condition. However, if the reference clock switches ahead of the
feedback clock, the up signal is raised to indicate that the frequency of the VCO
should be increased. Similarly, if the feedback clock switches ahead of the reference
clock, a down signal is generated to slow down the VCO. If both the up and down
signals are high, it is viewed as a reset condition, so the AND gate acts to reset the
flops to 0. -

To understand its operation further, consider the timing diagram of Figure
11.37¢. Initially Ref Clk switches high ahead of BB Clk. This is a phase error in the
two signals. The initial rise of Ref Clk sets its flop output to 1 while the rising edge

Input Up
| Charoe Oiﬂpﬁt
bl £ F = VCO —t
. PFD —»| pump LP
Down
N -

Figure 11.36

A basic PLL block dizgram.
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ip
BQ‘V n —_— e

Figure 11.38
Charge-pump and loop filter F{s).

The filter F(s) determines the order and stability of the overall PLL system. Its
role is to filter out the high-frequency switching components in the up/down signals
and deliver 2 slowly changing control voltage to the VCO. Therefore, it must be
designed in the context of the overall feedback control system: and not in isolation.
Even though the PLL is a highly nonlinear system, it can be analyzed as a linear sys-
tem when it is in the locked or nearly locked condition. The control system repre-
sentation is given in Figure 11.39, which we now analyze using linear system theory.
The phase is the loop variable in this case, and the phase difference is determined
and amplified by K,p in the PFD:

L KFD(QEB - Bout)

This is passed through the low-pass filter with a transfer function of F(s). Then the
signal passes through the VCO to create the output phase. The relationship between
frequency and phase is that phase is the integral of frequency, and the frequency is
determined by the control voltage:

8= ffdt = JKﬁvcdt

Bin + e'om
_.O_.D_> F(s) Kyfs -

Y

Figure 11.39
Linear feedback control system for PLL.
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Figure 11.40
Fiiter options for PLL low-pass filter.

selection of R, C,, and C,. Typically C, = (1/10}C,. The second-order filter makes
the PLL a third-order system. Most on-chip PLLs use this type of filter.

The next block to consider is the VCO which acts as an integrator and gener-
ates a periodic output based on a centrol voltage input. A typical VCO for digital
applications is presented in Figure 11.41a. This is a ring oscillator as we have seen
before except that we have a controllable delay, 7. The frequency of oscillation is f=
1/2Nr, where N is an odd number. The 7 of each stage can be adjusted by the con-
trol voltage V. In Figure 11.41b, we show a “current-starved” inverter where the
control voltage adjusts the amount of current delivered to the inverter to charge and
discharge the next stage. As the current varies, the delay through the inverter varies
as well. By connecting an odd number of stages in series, the oscillater can be
designed to generate the required clock signal. As the control voltage is adjusted, the
oscillation frequency changes over a prescribed range. Obviously, this figure is over-
simplified compared to the actual VCOs but the basic principle is the same.

Since the output of the VCO generates the internal clock signal, it will have to
be buffered so that it can drive the large loads associated with the clock tree. The
appropriate buffer sizing methods are required so that the cutput of the VCO does
not directly drive a large load. The last step of the PLL loop is the divider circuit,
shown in Figure 11.36. The purpose of this digital block is to reduce the frequency
of the VCO output to that of the incoming reference clock so that a proper phase
comparison can be carried out.

=
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Figure 11.41
{a} Typical ¥CO. (b} Current-starved inverter,

This completes our brief look at the PLL. Clearly this is a challenging analog
circuit design, especially in the presence of temperature and process variations. A
critical design block is the VCO since it generates the clock used by the chip and is
prone to jitfer problems due to supply noise and other factors. As described earlier,
jitter is the drift of the clock edge relative to the desired position. Note that the jit-
ter at the PLL input is not propagated to the output since the VCO generates a new
clock signal, Therefore, the input jitter is effectively filtered out by PLL. One layout
problem is that the PLL is sensitive to the switching noise of other circuits. The
interaction with other blocks must be minimized for proper operation. In addition,
simulations of such circuits have been known to take a long time to complete. The
use of this type of circuit will increase as chips get larger and there are more issues
of clock synchronization on chips.

The other useful circuit in digital VLSI designs is a DLL block that synchronizes
the data with the clock signal. The PLL can be modified to implement a DLL by a
substitution of the VCO with a voltage-controlled delay line (VCDL) (shown in
Figure 11.42). The same type of analysis described for the PLL can be applied to the
DLL. The circuit utilizes the control signal, V¢, to vary the delay of each inverter.
The VCDL circuit can be designed with multiple cascaded stages to construct a
delay line. This circuit is popular since it has better stability properties than the PLL
and is much easier to design. It can be stabilized using a simple capacitor as the loop
filter. However, it transfers input jitter directly to the output. This circuit has been
widely used in clock and data recovery applications.
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Figure 11.42
CLL with VCDL (Voltage-Controtied-Delay Ling).

11.4.2 Clock Distribution Summary

To summarize, the key to proper clock design is to balance as much of the design as
possible. First, the clock skew should be minimized by using architectures such asa
buffered H-tree. It should be controlled by limiting the maximum and minimum
interconnect length, using symmetric tree architectures with equal-sized buffers,
and using an ali-or-none strategy for gated clocks. The last stage of buffering to drive
the local flip-flops may not be identical since the fanouts are not necessarily the
same. However, the delay through the final buffers should be made the same. The
clock edges should be kept as sharp as possible. The proper tradeoffs should be
made to shield clock lines with ¥y, and Gnd to limit crosstalk. The power should
be minimized through the careful-control of capacitance, and the use of gated
clocks. The supply voltage should be regutated through the use of decoupling capac-
itors, especially in the area of the large clock buffers that switch simultaneously. PLL
or DLL circuits should be used to synchronize external and internal clock signals.
Alpha 21264 is a good example of integrating clock hierarchy in its clocking
network design, as illustrated in Figure 11.43. The global clock (GCLK) is generated
by an on-chip, low-jitter phase-locked loop {(PLL). The GCLK signal is routed along
a trunk to the center of the die and is distributed by X-trees and H-trees to 16 dis-
tributed GCLK drivers located in a windowpane pattern across the chip. Figure
11.44 shows the clock hierarchy of the microprocessor. Local clocks and local con-
ditional clocks (gated clocks) are driven several stages past GCLK. The novelty of
this approach is the use of a clock grid structure, much like the power grid structure
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Giohal clock (GLLK) distrihution network,
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Figure 11.44

Clock hierarchy of 600 MHz alphs microprocessor,
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described earlier in this chapter to reduce clock skew. State elements and clocking

points exist from zero to eight gates past GCLK. There are six other global clocks,

referred to as box clocks, that drive large grids over their respective execution units:

a floating point, a bus interface, a load/store, integer pads, and an instruction issue.

Smaller local clocks are generated as needed from any clocks without strict kimits on

the number, size, or logic function of the local buffers or on the requirements on the -
duty cycle of the generated clocks.
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PROBLEMS

P11.1 List several known methods to address IR drop problems. Which of
these methods are also effective for Ldi/dt and EM issues?

P11.2 {a) A 0.4 pum wide wire running 400 pm is used for a power busin a
0.18 pum technology. It is connected to a pin with an inductance of
L =72 nH, There are 32 inverters with W= 1 um connected to the
power line, half of which are switching high simultaneously in a
100 ps time period, What is the worst-case voltage drop at the far
end of the power bus (near inv32)? Parameters: Metal 5 resistivity
= 54m{}/[], thickness = 0.8 um.

400 um

Y 1
= {:_l ﬂ_l

invl inv3z2

Figure P11.2

{b) Assuming that J_ . = 10% A/cm, does the wire pass the electromi-
gration check?

(c) If not, what width of wire is needed to pass the electromigration
check?
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P11.3 In the simultaneous switching case shown in Figure P11.3, 31 of the 32
output drivers switch from high to low while the one:on the far right
remains “stable.” Assuming that the bonding wire inductance is 10 nH,
how much ground bounce is experienced when each inverter dis-
charges 50 pF over 1.8 ns through the chip ground? V,,, = 1.8 V.

Chip h Voo h Voo e L Vo

ground A

30 pF 50 pF 50 pF

Board
ground

Figure P11.3

P11.4 In the 2-phase non-overlapping clock system shown in Figure P11.4,
what is the minimum delay needed between Phi2 falling and Phil ris-
ing for the system to work properly? Assume that the maximum skew
between any of the clocks is 1 ns, and that the delay through the latches
is 0. Explain your answer. (Hint: Note that the answer could be positive
or negative.)

o~ ™ N
Combinational Combinational
fogic logic
L —»| Latch - » Laich -
timee = 10ns fdmax = 15108
%R@:Ins fdmn=253
\_ J Ne—
Phil PhiZ
Figure P11.4

P11.5 In the above problem, redo the analysis assuming flip-flops in place of
latches and a single clock.
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P11.8

P11.9

P11.10
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What is the optimal value of L according to your results? Assume
0.18 pm technology parameters. You will have to use nonquasistatic
model in SPICE.

For the circuit in Figure 11.27, plot the incoming clock signai and the
output clock signals. Design the circuit so that it has equal delays from
the Clk to both outputs.

For the circuit in Figure 11.41b, use SPICE to plot 7 versus V. if W=
0.5 pem for all devices. Assume that the inverter drives another identi-
cal inverter. Given the results from SPICE, what is the frequency range
of the VCO in Figure 11.41a if there are 25 stages?

You are required to drive a 10 ram wire with minimum delay. However,
your input capacitance must be 12X {Le,, due to the input capacitance
of a 2X inverter}. Answer the following questions using rapid “back-of-
the-envelope” calculations, and then redo the problem using detailed
analysis. Finally, compare the results with SPICE.

(a) First draw a schematic of the circuit involving only inverters and
wires that will produce the minimum delay. Your circuit-should
have inverters that start at 2X and increase in size until they reach
the buffers that are inserted to drive the wire segments. Show the
entire delay path from end to end.

{b) Size the inverters to produce the minimum delay.

{c) Compute the delay value from the 2X inverter to the end of the
wire.
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