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To Kathelijn, Karthiyayani, Krithivasan,
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“Qu’est-ce que ’homme dans la nature?
Un néant a I’égard de Uinfini,
un tout al I’égard du néant,
un milieu entre rien et tout.”

“What is man in nature?
Nothing in relation to the infinite,
everything in relation to nothing,

a mean between nothing and everything.”

Blaise Pascal, Pensées, n. 4, 1670.




Preface

What is New?

Welcome to second edition of “Digital Integrated Circuits: A Design Perspective.” In the six
years since the publication of the first, the field of digitdl integrated circuits has gone through
some dramatic evolutions and changes. IC manufacturing technology has continued to scale to
ever-smaller dimensions. Minimum feature sizes have scaled by a factor of almost ten since the
writing of the first edition, and now are approaching the 100 nm realm. This scaling has a double
impact on the design of digital integrated circuit. First of all, the complexity of the designs that
can be put on a single die has increased dramatically. Dealing with the challenges this poses has
led to new design methodologies and implementation strategies. At the same time, the plunge
into the deep-submicron space causes devices to behave differently, and brings to the forefront a
number of new issues that impact the reliability, cost, performance, and pbwer dissipation of the
digital IC. Addressing these issues in-depth is what differentiates this edition from the first.

A glance through the table of contents reveals extended coverage. of issues such as deep-
sub micron devices, circuit optimization, interconnect modeling and optimization, signal integ-
rity, clocking and timing, and power dissipation. All these topics are illustrated with state-of-the-
art design examples. Also, since MOS now represents more than 99% of the digital IC market,
older technologies such as silicon bipolar and GaAs have been deleted (however, the interested
reader can find the old chapters on these technologies on the web site of the book). Given the
importance of methodology in today’s design process, we have included Design Methodology
Inserts throughout the text, each of which highlights one particular aspect of the design process.
This new edition represents a major reworking of the book. The biggest change is the addition of
two co-authors, Anantha and Bora, who have brought a broader insight into digital IC design and
its latest trends and challenges.

Maintaining the Spirit of the First Edition

While introducing these changes, our intent has been to preserve the spirit and goals of the first
edition—that is, to bridge the gap between the circuit and system visions on digital design.
While starting from a solid understanding of the operation of electronic devices and an in-depth
analysis of the nucleus of digital design—the inverter—we gradually channel this knowledge
into the design of more complex modules such as gates, registers, controllers, adders, multipli-
ers, and memories.. We identify the compelling questions facing the designers of today’s

vii




viki Preface

complex circuits: What are the dominant design parameters, what section of the design should
he focus on and what details could she ignore? Simplification is clearly the only approach to
address the increasing complexity of the digital systems. However, oversimplification can lead
to circuit failure since global circuit effects such as timing, interconnect, and power consump-
tion are ignored. To avoid this pitfall it is important to design digital circuits with both a circuits
and a systems perspective in mind. This is the approach taken in this book, which brings the
reader the knowledge and expertise needed to deal with complexity, using both analytical and
experimental techniques.

How to Use This Book

The core of the text is intended for use in a senior-level digital circuit design class. Around this
kernel, we have included chapters and sections covering the more advanced topics. In the course
of developing this book, it quickly became obvious that it is difficult to define a subset of the
digital circuit design domain that covers everyone’s needs. On the one hand, a newcomer to the
field needs detailed coverage of the basic concepts. On the other hand, feedback from early read-
ers and reviewers indicated that an in-depth and extensive coverage of advanced topics and cur-
rent issues is desirable and necessary. Providing this complete vision resulted in a text that
exceeds the scope of a single-semester class. The more advanced material can be used as the
basis for a graduate class. The wide coverage and the inclusion of state-of-the-art topics also
makes the text useful as a reference work for professional engineers. It is assumed that students
taking this course are familiar with the basics of logic design.

The organization of the material is such that the chapters can be taught or read in many
ways, as long as a number of precedence relations are adhered to. The core of the text consists of
Chapters 5, 6, 7, and 8. Chapters 1 to 4 can be considered as introductory. In response to popular
demand, we have introduced a short treatise on semiconductor manufacturing in Chapter 2. Stu-
dents with a prior introduction to semiconductor devices can traverse quickly through Chapter 3.
We urge everyone to do at least that, as a number of important notations and foundations are
introduced in that chapter. In addition, an original approach to the modeling of deep-submicron
transistors enabling manual analysis, is introduced. To emphasize the importance of interconnect
in today’s digital design, we have moved the modeling of interconnect forward in the text to
Chapter 4.

Chapters 9 to 12 are of a more advanced nature and can be used to provide a certain focus
to the course. A course with a focus on the circuit aspects, for example, can supplement the core
material with Chapters 9 and 12. A course focused on the digital system design should consider
adding (parts of) Chapters 9, 10, and 11. All of these advanced chapters can be used to form the
core of a graduate or a follow-on course. Sections considered advanced are marked with an
asterisk in the text.

A number of possible paths through the material for a senior-level class are enumerated
below. In the instructor documentation, provided on the book’s web site, we have included a
number of complete syllabi based on courses run at some academic institutions.
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Basic circuit class (with minor prior device knowledge):
1,2.1-3,3,4,5,6,7,8,(9.1-9.3, 12).

Somewhat more advanced circuit coverage:

1,(2,3),4,56,7,8 9, 10.1-10.3, 10.5-10.6, 12.

Course with systems focus:
1,€2.3),4,5,6,7, 8,9, 10.1-10.4, 11, 12.1-12.2,

The design methodology inserts are, by preference, covered in concurrence with the chapter to
which they are attached.

In order to maintain a consistent flow through each of the chapters, the topics are iniro-
duced first, followed by a detailed and in-depth discussion of the ideas. A Perspective section
discusses how the introduced concepts relate to real world designs and how they might be
impacted by future evolutions. Each chapter finishes with a Swmmary, which briefly enumerates
the topics covered in the text, followed by To Probe Further and Reference sections. These pro-
vide ample references and pointers for a reader interested in further details on some of the
material.

As the title of the book implies, one of the goals of this book is to stress the design aspect
of digital circuits. To achieve this more practical viewpoint and to provide a real perspective, we
have interspersed actual design examples and layouts throughout the text. These case studies
help to answer questions, such as “How much area or speed or power is really saved by applying
this technique?” To mimic the real design process, we are making extensive use of design tools
such as circuit- and switch-level simulation as well as layout editing and extraction. Computer
analysis is used throughout to verify manual results, to illustrate new concepts, or to examine
complex behavior beyond the reach of manual analysis.

Finally, to facilitate the learning process, there are numerous examples included in the
text. Each chapter contains a number of problems or brain-teasers (answers for which can be
found in the back of the book), that provoke thinking and understanding while reading.

The Worldwide Web Companion

A worldwide web companion (http://bwrc.eecs.berkeley.edu/IcBook/index.htm) provides fully
worked-out design problems and a complete set of overhead transparencies, extracting the most
important figures and graphs from the text.

In contrast to the first edition, we have chosen NOT to include problems sets and design
problems in the text. Instead we decided to make them available on the book’s web site. This
gives us the opportunity to dynamically upgrade and extend the problems, providing a more
effective tool for the instructor. More than 300 challenging exercises are currently provided. The
goal is te provide the individual reader an independent gauge for his understanding of the mate-
rial and to provide practice in the use of some of the design tools. Each problem is keyed to the
text sections it refers to (e.g., <1.3>), the design tools that must be used when solving the prob-
lem (e.g., SPICE) and a rating, ranking the problems on difficulty: (E) easy, (M) moderate, and
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(C) challenging. Problems marked with a (D) include a design or research elements. Solutions to
the problem sets are available only to instructors of academic institutions that have chosen to
adopt our book for classroom use. They are available through the publisher on a password-
protected web site.

Open-ended design problems help to gain the all-important insight into design optimiza-
tion and trade-off. The use of design editing, verification and analysis tools is recommended
when attempting these design problems. Fully worked out versions of these problems can be
found on the web site.

In addition, the book’s web site also offers samples of hardware and software laboratories,
extra background information, and useful links.

Compelling Features of the Book

= Brings both circuit and systems views on design together. It offers a profound understand-
ing of the design of complex digital circuits, while preparing the designer for new chal-
lenges that might be waiting around the corner.

¢ Design-oriented perspectives are advocated throughout. Design challenges and guidelines
are highlighted. Techniques introduced in the text are illustrated with real designs and
complete SPICE analysis.

= Is the first circuit design book that focuses solely on deep-submicron devices. To facilitate
this, a simple transistor model for manual analysis, called the unified MOS model, has
been developed.

» Unique in showing how to use the latest techniques to design complex high-performance
or low-power circuits. Speed and power treated as equal citizens throughout the text.

= Covers crucial real-world system design issues such as signal integrity, power dissipation,
interconnect, packaging, timing, and synchronization.

» Provides unique coverage of the latest design methodologies and tools, with a discussion
of how to use them from a designers’ perspective.

» Offers perspectives on how digital circuit technology might evolve in the future.

« Qutstanding illustrations and a usable design-oriented four-color insert.

» To Probe Further and Reference sections provide ample references and pointers for a
reader interested in further details on some of the material.

= Extensive instructional package is available over the internet from the author’s web site.
Includes design software, transparency masters, probiem sets, design problems, actual lay-
outs, and hardware and software laboratories.

The Contents at a Glance

A quick scan of the table of contents shows how the ordering of chapters and the material cov-
ered are consistent with the advocated design methodology. Starting from a model of the semi-
conductor devices, we will gradually progress upwards, covering the inverter, the complex logic
gate (NAND, NOR, XOR), the functional (adder, multiplier, shifter, register) and the system
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module (datapath, controller, memory) levels of abstraction. For each of these layers, the domi-
nant design parameters are identified and simplified models are constructed, abstracting away
the nonessential details. While this layered modeling approach is the designer’s best handle on
complexity, it has some pitfalls. This is illustrated in Chapters 9 and 10, where topics with a
global impact, such as interconnect parasitics and chip timing, are discussed. To further express
the dichotomy between circuit and system design visions, we have divided the book contents
into two major parts: Part II (Chapters 4-7) addresses mostly the circuit perspective of digital
circuit design, while Part [II (Chapters 8-12) presents a more system oriented vision. Part I
(Chapters 1-4) provides the necessary foundation (design metrics, the manufacturing process,
device and interconnect models).

Chapter 1 serves as a global infroduction. After a historical overview of digital circuit
design, the concepts of hierarchical design and the different abstraction layers are introduced. A
number of fundamental metrics, which help to quantify cost, reliability, and performance of a
design, are introduced.

Chapter 2 provides a short and compact introduction to the MOS manufacturing
process. Understanding the basic steps in the process helps to create the three-dimensional
understanding of the MOS transistor, which is crucial when identifying the sources of the
device parasitics. Many of the variations in device parameters can also be attributed to the
manufacturing process as well. The chapter further introduces the concept of design rules,
which form the interface between the designer and the manufacturer. The chapter concludes
with an overview of the chip packaging process, an often-overlooked but crucial element of the
digital IC design cycle.

Chapter 3 contains a summary of the primary design building blocks, the semiconductor
devices. The main goal of this chapter is to provide an intuitive understanding of the operation of
the MOS as well as to introduce the device models, which are used extensively in the later chap-
ters. Major attention is paid to the artifacts of modern submicron devices, and the modeling
thereof. Readers with prior device knowledge can traverse this material rather quickly.

Chapter 4 contains a careful analysis of the wire, with interconnect and its accompanying
parasitics playing a major role. We visit each of the parasitics that come with a wire {(capaci-
tance, resistance, and inductance) in turn. Models for both manual and computer analysis are
introduced. .

Chapter 5 deals with the nucleus of digital design, the inverter. First, a number of funda-
mental properties of digital gates are introduced. These parameters, which help to quantify the
performance and reliability of a gate, are derived in detail for two representative inverter struc-
tures: the static complementary CMOS. The techniques and approaches introduced in this chap-
ter are of crucial importance, as they are repeated over and over again in the analysis of other
gate structures and more complex gate structures.

In Chapter 6 this fundamental knowledge is extended to address the design of simple and
complex digital CMOS gates, such as NOR and NAND structures. It is demonstrated that,
depending upon the dominant design constraint (reliability, area, performance, or power), other
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CMOS gate structures besides the complementary static gate can be attractive. The properties of
a number of contemporary gate-logic families are analyzed and compared. Techniques to opti-
mize the performance and power consumption of complex gates are introduced.

Chapter 7 discusses how memory function can be accomplished using either positive
feedback or charge storage. Besides analyzing the traditional bistable flip-flops, other sequential
circuits such as the mono- and astable multivibrators are also introduced. All chapters prior to
Chapter 7 deal exclusively with combinational circnits, that is circuits without a sense of the past
history of the system. Sequential logic circuits, in contrast, can remember and store the
past state.

All chapters preceding Chapter 8 present a circuit-oriented approach towards digital
design. The analysis and optimization process has been consirained fo the individual gate. In
this chapter, we take our approach one step further and analyze how gates can be connected
together to form the building blocks of a system. The system-level part of the book starts,
appropriately, with a discussion of design methodologies. Design antomation is the only way
to cope with the ever-increasing complexity of digital designs. In Chapter 8, the prominent
ways of producing large designs in a limited time are discussed. The chapter spends consider-
able time on the different implementation methodologies available to today’s designer. Cus-
tom versus semi-custom, hardwired versus fixed, regular array versus ad-hoc are some of the
issues put forward.

Chapter 9 revisits the impact of interconnect wiring on the functionality and performance
of a digital gate. A wire introduces parasitic capacitive, resistive, and inductive effects, which are
becoming ever more important with the scaling of the technology. Approaches to minimize the
impact of these interconnect parasitics on performance, power dissipation and circuit reliability
are introduced. The chapter also addresses some important issues such as supply-voltage distri-
bution, and input/output circuitry.

In Chapter 10 details how that in order to operate sequential circuits correctly, a strict
ordering of the switching events has to be imposed. Without these timing constraints, wrong data
might be written into the memory cells. Most digital circuits use a synchronous, clocked
approach to impose this ordering. In Chapter 10, the different approaches to digital circuit tim-
ing and clocking are discussed. The impact of important effects such as clock skew on the
behavior of digital synchronous circuits is analyzed. The synchronous approach is contrasted
with alternative techniques, such as self-timed circuits. The chapter concludes with a short intro-
duction to synchronization and clock-generation circuits.

In Chapter 11, the design of a variety of complex arithmetic building blocks such as
adders, multipliers, and shifters, is discussed. This chapter is crucial because it demonstrates
how the design techniques introduced in chapters 5 and 6 are extended to the next abstraction
layer. The concept of the critical path is introduced and used extensively in the performance
analysis and optimization. Higher-level performance models are derived. These help the
designer to get a fundamental insight into the operation and quality of a design module, without
having to resort to an in-depth and detailed analysis of the underlying circuitry.
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Chapter 12 discusses in depth the different memory classes and their implementation.
Whenever large amounts of data storage are needed, the digital designer resorts to special cir-
cuit modules, called memories. Semiconductor memories achieve very high storage density
by compromising on some of the fundamental properties of digital gates. Instrumental in the
design of reliable and fast memories is the implementation of the peripheral circuitry, such as
the decoders, sense amplifiers, drivers, and control circuitry, which are extensively covered.
Finally, as the primary issue in memory design is to ensuore that the device works consis-
tently under all operating circumstances, the chapter concludes with a detailed discussion of
memory reliability. This chapter as well as the previous one are optional for undergraduate
courses.
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36 Chapter 2 ¢ The Manufacturing Process

2.1 Introduction

Most digital designers will never be confronted with the details of the manufacturing process
that lay at the core of the semicondactor revolution. Still, some insight into the steps that lead to
an operational silicon chip comes in guite handy in understanding the physical constraints
imposed on a designer of an integrated circuit, as well as the impact of the fabrication process on
issues such as cost.

In this chapter, we briefly describe the steps and technigues used in a modern integrated
circuit manufacturing process. It is not our aim to present a detailed description of the fabrica-
tion technology, which easily deserves a complete course [Plummer(0]. Rather, we aim at pre-
senting the genera! cutline of the flow and the interaction between the various steps. We learn
that a set of optical masks forms the central interface between the intrinsics of the manufacturing
process and the design that the user wants to see transferred to the silicon fabric. The masks
define the patterns that, when transcribed onto the different layers of the semicenductor material,
form the elements of the electronic devices and the interconnecting wires. As such, these pat-
terns have to adhere to some constraiats, in terms of minimum width and separation, if the
resulting circuit is to be fully functional. This collection of constraints is called the design rule
set, and acts as the contract between the circuif designer and the process engineer, If the designer
adheres to these rules, he gets a guarantee that his circuit will be manufacturable. An overview
of the common desiga rules encountered in modern CMOS processes is given, as well as a per-
spective on the IC packeging options. The package forms the interface between the circuit
implemented on the silicon die and the cutside world, and as such has a major impact on the per-
formance, reliability, longevity, and cost of the integrated circuit.

2.2 Manufacturing CMOS Integrated Circuits

A simplified cross section of a typical CMOS inverter is shows in Figore 2-1. The CMOS pro-
cess requires that both n-channel (NMOS) and p-channel (PMOS) transistors be built in the
same silicon material. To accommodate both types of devices, special regions called wells must
be created in which the semiconductor material is opposite to the type of the channel. A PMOS
transistor has to be created in either an n-type substrate or an n#-well, while an NMOS device
resides in either a p-type substrate or a p-well. The cross section shown in Figure 2-1 features an

Polysilicon Al

Si0,

p-substrate
Figure 2-1 Cross section of an n-well CMOS process,
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2.2 Manuofacturing CMOS Integrated Circuits 37

gate oxide
Tungsten \\\ Tisi,

Figure 2-2 Cross section of modermn dual-well CMOS process.

n-well CMOS process, where the NMOS transistors are implemented in the p-doped substrate,
and the PMOS devices are located in the n-well. Modern processes are increasingly using a
dial-well approach that uses both a1~ and p-wells, grown on top of an epitaxial layer, as shown in
Figure 2-2,

The CMOS process requires a large number of steps, each of which consists of a sequence
of basic operations. A number of these steps and/or operations are executed very repetitively in
the course of the manufacturing process. Rather than immediately delving into a description of
the overall process flow, we first discuss the starting material followed by a detailed perspective
on some of the most frequently recurring operations.

2.2.1 The Silicon Water

The base material for the manufacturing process comes in the form of a single-crystalline,
lightly doped wafer. These wafers have typical diameters between 4 and 12 inches (10 and
30 cm, respectively) and a thickness of, at most 1 mm. They are obtained by cutting a single-
crystal ingot into thin shees (see Figure 2-3). A starting wafer of the p~type might be doped
around the levels of 2 x 10%! impurities/m®, Often, the surface of the wafer is doped more
heavily, and a single crystal epitaxial layver of the opposite type is grown over the surface before
the wafers are handed to the processing company. One important metric is the defect density of
the base material. High defect densities lead to a larger fraction of nonfunctional circaits, and
consequently an ncrease in cost of the final product.

2.22 Phololithography

In each processing step, a certain area on the chip is masked out using the appropriate optical
mask 5o that a desired processing step can be selectively applied to the remaining regions, The
processing step can be any of a wide range of tasks, including oxidation, etching, metal and
polysilicon depesition, and ion implantation. The technique to accomplish this selective mask-
ing, called photolithography, is applied throughout the manufacturing process. Fignre 2-4 gives
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3s8 Chapter 2 » The Manufacturing Process

Figure 2-3 Single-crystal ingot and sliced wafers (from [Fulimang9]}.

optical
mask

exidation

photoresist coating

stepper exposure

photoresist
removal (ashing)

photoresist
development

process acid etch

step spin, rinse, dry

Figure 2-4 Typical operations in a single photolithegraphic cycle {from [Fullman9g]).
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a graphical overview of the different operations involved in a typical photolithographic progess.
The following steps can be identified;

i,

Oxidation layering—this optional step deposits a thin layer of Si0, over the complete
wafer by exposing it to a mixture of high-purity oxygen and hydrogen at approximately
1000°C. The oxide is used as an insulation layer and alse forms transistor gates.

. Photoresist coating—a light-sensitive polymer (similar to latex) is evenly applied to a

thickness of approximately 1 um by spinning the wafer. This material is originally scluble
in an organic solvent, but has the property that the polymers cross-link when exposed to
light, making the affected regions insoluble. A photoresist of this type is called negative. A
positive phiotoresist has the opposite properties; originally insoluble, but soluble after
exposure. By using both positive and negative resists, a single mask can sometimes be
used for two steps, making complementary regions available for processing. Since the cost
of a mask is increasing quite rapidly with the scaling of technology, reducing the number
of masks surely is a high priority.

. Stepper exposure—a glass mask {or reticle} containing the patterns that we want to trans-

fer to the silicon is brought in close proximity to the wafer. The mask is opague in the
regions that we want t0 process, and transparent in the others (assuming a negative photo-
resist). The glass mask can be thought of as the negative of one layer of the microcircuit.
The combination of mask and wafer is now exposed to ultraviolet light, Where the mask is
transparent, the photoresist becomes insoluble,

. Photoresist deyelopment and bake—the wafers are developed in either an acid or base

solution te remove the nonexposed areas of photoresist. Once the exposed photorasist is
removed, the wafer is “soft baked” at a low temperature to harden the remaining
photoresist.

5. Acid etching—material is selectively removed from areas of the wafer that are not covered

by photoresist. This is accomplished through the use of many different types of acid, base
and caustic solutions as a function of the material that is to be removed. Much of the work
with chemicals takes place at large wet benches where special solutions are prepared for
specific tasks, Because of the dangerous nature of seme of these solvents, safety and envi-
ronmental Impact is a primary concern.

6. Spin, ringe, and dry—a special tool {called SRD) cleans the wafer with deionized water

and dries it with nitrogen. The microscopic scale of moedern semiconductor devices means
that even the smallest particle of dust or dirt can destroy the circuitry. To prevent this from
happening, the processing steps are performed in ultraclean rooms where the number of
dust particles per cubic foot of air ranges between I and 10. Antomatic wafer handling and
robotics are used whenever possible. This explaing why the cost of 2 state-of-the-art
fabrication facility easily reaches multiple billions of dollars. Even then, the wafers must
be constantly cleaned to avoid contamination and to remove the leftover of the previous
process steps.
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40 Chapter 2 + The Manufacturing Process

7. Various process steps—the exposed area can now be subjected to a wide range of process
steps, such as ion implantation, plasma etching, or metal deposition. These are the subjects
of the subsequent section. :

8. Photoresist removal {or ashing }—a high-temperature plasma is used to selectively remove
the remaining photoresist without damaging device layers.

In Figure 2-5, we illustrate the use of the photolithographic precess for one specific exam-
ple, the patterning of a layer of 3i(,. The sequence of process steps shown in the figure patterns
exactly one layer of the semiconductor material and may seem very complex. Yet, the reader has
t0 bear in mind that the same sequence patterns the laver of the complete surface of the wafer.
Hence, it is a very parailel process, transferving hundreds of millions of patterns to the semicon-
ductor surface simultaneously. The concurrent and scalable nature of the optolithographical pro-
cess is what makes the cheap manufacturing of complex semiconductor circuits posmble and
lies at the core of the economic suceess of the semiconductor industry.

The continued scaling of the minimum feature sizes in integrated circuits puts an enormous
burden on the developer of semiconductor manufacturing equipment. This is especially true for
the optolithographical process. The dimensions of the features to be transcribed swrpass the
wavelengths of the optical light sources, so that achieving the necessary resolution and accuracy

Chemical or plasma
eich

Hardened resist

SiO,

Sisubstrate

{a} Silicon base material

$i substrate
Photaoresist

Si0,
(d} After development and etcking of resist,
Si substrate chemical or plasma etch of Si0,

Hardened resist
{b) After oxidation and deposition SiG,
of negative photoresist

byvbyrr bbb e

optical mask (e} After etching

Si substrate

Exposed resist ™\ 71 SIo,

Si substrate

Si substrate

(£} Final result after removal of resist

{c) Stepper exposure

Figure 2-5 Process steps for patterning of Si0,.
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becomes more and more difficult. So far, electrical engineering has extended the lifetime of this
process at least until the 100 nm (or 0.1 |tm) process generation. Techniques such as eptical mask
correction (OPC) prewarp the drawn patterns to account for the diffraction phenomena, encoun-
tered when printing close to the wavelength of the available optical source. This adds substan-
tially to the cost of mask making. In the foresceable fisture, other solutions that offer a finer
resolution, such as extreme ultraviolet (EUV), X ray, or electron beam, may be needed. These
techniques, while fully functional, are currently less attractive from an economic viewpoint.

2.2.3 Some Recurring Process Steps

Diffusion and Ion Implantation

Many steps of the integrated circuit manufacturing process require a change in the dopant con-
centration of some parts of the material. Examples include the creation of the source and drain
regions, well and substrate contacts, the doping of the polysilicon, and the adjustments of the
device threshold. Two approaches exist for introducing these dopants—diffusion and ion
implantation. In both techniques, the area to be doped is exposed, while the rest of the wafer is
coated with a layer of buffer material, typically 8i0,.

In diffusion implantation, the wafers are placed in a quartz tube embedded in a heated fur-
nace. A gas confaining the dopant is introduced in the tube. The high temperatures of the fur-
nace, typically 900 to 1100 °C, cause the dopants to diffuse into the exposed surface both
vertically and horizontally. The final dopant concentration is the greatest at the surface and
decreases in a gaussian profile deeper in the material.

In fon implantation, dopants are introduced as ions into the material. The ion impiantation
system directs and sweeps a beam of purified ions over the semiconductor surface. The accelera-
tion of the ions determines how deep they will penetrate the material, while the beamn current
and the exposure time determine the dosage. The ion implantation method allows for an inde-
pendent control of depth and dosage. This is the reason that ion implantation has largely dis-
placed diffusion in modern semiconductor manufacturing.

Ion implantation has some unfortunate side effects, however, the most important one being
fattice damage, Nuclear collisions during the high energy implantation cause the displacement
of substrate atoms, leading to material defects. This problem is largely resolved by applying a
subsequent annealing step, in which the wafer is heated to around 1000°C for 15 to 30 minutes,
and then allowed to cool slowly. The heating step thermally vibrates the atoms, which allows the
bonds to reform.

Deposition

Any CMOS process requires the repetitive deposition of layers of a material over the complete
wafer, to either act as buffers for a processing step, or as insulating or conducting layers. We
have already discussed the oxidation process, which allows a layer of 5i0, to be grown. Other
materials require different technigues. For instance, silicon nitride {Si;N,} 1s used as a sacrificial
buffer material during the formation of the field oxide and the introduction of the stopper
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implants. This silicon nitride is deposited everywhere using a process called chemical vapor
depeosition or CVD. This process is based on a gas-phase reaction, with energy supplied by heat
at arcund 830°C.

Polysilicon, on the cther hand, is deposited using a chemical deposition process, which
flows silane gas over the heated wafer coated with Si0, at a temperature of approximately
650°C. The resulting reaction produces a noncrystalline or amorphous material called polysili-
cor. To increase the conductivity of the material, the deposition has to be foliowed by an implan-
tation step,

The Aluminom interconnect layers typically are deployed using a process kaown as spus-
tering. The sluminum is evaporated in a vacuum, with the heat for the evaporation delivered by
clectron-beam or ion-beam bombarding. Other metallic interconnect materials such as Copper
require different deposition techniques.

Etching

Once a material has been deposited, etching is used selectively to form patterns such as wires
and contact holes. We already discussed the wer eiching process, which makes use of acid or
basic solutions. Hydrofluoric acid buffered with ammonium fluoride typically is used to etch
SiC,, for example.

In recent years, dry or plasmea etching has advanced substantially. A wafer is placed into
the etch tool's processing chamber and given a negative electrical charge. The chamber is heated
to 100°C and brought to a vacuum level of 7.5 Pa, then filled with a positively charged plasma
(asually 2 mix of nitrogen, chlorine, and boron trichloride). The opposing electrical charges
cause the rapidly moving plasma molecules to align themselves in a vertical direction, forming a
microscopic chemical and physical “sandblasting” action which removes the exposed material.
Plasma etching has the advantage of offering a weli-defined directionality to the etching action,
creating patterns with sharp vertical contours.

Planarization

To reliably deposit a layer of material onto the semiconductor surface, it is essential that the sur-
face be approximately flat. If special steps were not taken, this would definitely present prob-
lems in modern CMOS processes, where multiple patterned metal interconnect layers are
superimposed onto each other. Therefore, a chemical-mechanical planarization (CMP) step is
included before the deposition of an extra metal layer on top of the insulating SiO, layer. This
process uses a slurry compound—a liguid carrier with a suspended abrasive component such as
aluminum oxide or silica—to microscopically plane a device layer and 1o reduce the step
heights.

2.2.4 Simplified CMOS Process Flow

The gross gutline of a poteatial CMOS process flow is given in Figure 2-6. The process starts
with the definition of the active regions—these are the regions where transistors will be con-
structed. All other areas of the die will be covered with a thick layer of silicon dioxide (810,)
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Diefine active areas
Etch and 01 trenches

}

Implant well regions

!

Deposit and pattern
polysilicon layer

{

Impiant source and drain
regions and subsirate contacis

}

Create coniact and via windows
Deposit and pattern metal layers

Figure 2-8 Simplified process sequence for the manufacturing of a n-dual-well CMOS circuit.

called the field oxide. 'This oxide acts as the insulator between neighboring devices, and it is
either grown (as in the process of Figure 2-1) or deposited in etched trenches (Figure 2-2)—
hence, the name french isulation. Purther insulation is provided by the addition of a reverse-
biased np-diode, formed by adding an extra p™ region called the channel-stop implant {or field
implonr) underneath the field oxide. Next, lightly doped p- and r-wells are formed through ion
implantation. To construct an NMOS transistor in a p-well, heavily doped n-type source and
drain regions are implanted (or diffused) into the lightly doped p-type substrate. A thin layer of
Si0, called the gate oxide separates the region between the source and drain, and is itself cov-
ered by conductive polycrystalline silicon (or pehysilicon, for short). The conductive material
forms the gate of the transistor. PMOS rransistors are constructed in an #-well in a similar fash-
ion {just reverse #'s and p’s). Multiple insulated layers of metallic (most often Aluminum} wires
are deposited on top of these devices to provide for the necessary interconnections between the
transistoss.

A more detailed breakdown of the flow into individual process steps and their impact on
the semiconductor material is shown graphically in Figure 2.7, While most of the operations
should be self-explanatory in light of the previous descriptions, some comments on individual
operations are worthwhile. The process starts with a p-substrate surfaced with a lightly doped p-
epitaxial layer {a). A thin layer of Si0, is then deposited, which will serve as the gate oxide for
the transistors, followed by a deposition of a thicker sacrificial silicon nitride layer (b). A
plasma etching step using the complementary of the active area mask creates the frenches used
for insulating the devices (c). After providing the channel stop implant, the trenches are filied
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p-epi L
{a) Base material: p* substrate
with p-epi layer

SigN,

pepi

{by) After deposition of gate oxide
and sacrificial nitride (acts as a
buffer layer)

{c) After plasma etch of insulating
trenches using the inverse of the
active area mask

— 5i0,

{d) After trench Glling, CMP
planarization, and removal of
sacrificial nitride

{e) After n-well and
V. adjust implants

(fy After p-well and
Vo, adiust implants

Figure 2-7 Process flow for the fabrication of an NMOS and a PMOS transistor in a dualwell
ChOS process. Be aware that the drawings are stylized for understanding and that the aspects
ratios are not proportionsd to reality.

with 510, followed by a number of steps to provide a flat surface (including inverse active pat-
tern exide etching, and chemical-mechanical planarization). At that point, the sacrificial nitride
is removed (d). The n-well mask is used to expose only the n-well areas (the rest of the wafer is
covered by a thick buffer material), after which an implant-annealing sequence is applied to
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L poly{silicon}

{g) After polysilicon deposition
and eteh

{h) After »* source/drain and
£ source/drain implants. These
steps also dope the polysilicon.

$i0,

{1} After deposition of Si0,
insulator and contact hole etch.

Al

(j) After deposition and
patierning of first Al layer.

Al

Si0,

(k} After deposition of Si0,
insulator, etching of via’s,
deposition and patterning of
second laver of AL

Figure 2-7 {cont}

adjust the well-doping. This is followed by a second implant step to adjust the threshold volt-
ages of the PMOS transisiors. This implant only impacts the doping in the area just below the
gate oxide {e). Similar operations {using other dopants) are performed to create the p-wells, and
to adjust the thresholds of the NMOS transistors (f). A thin layer of polysilicon is chemically
deposited and paiterned with the aid of the polysilicon mask. Polysilicon is used both as gate
electrode material for the transistors and as an interconnect medium {g). Consecutive ion
implantations are used 1o dope the source and drain regions of the PMOS {p*) and NMOS (n")
transistors, respectively (h), after which the thin gate oxide not covered by the polysilicon is
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etched away.! The same implants alse are used to dope the polysilicon on the surface, reducing
its resistivity. Undoped polysilicon has a very high resistivity. Note that the polysilicon gate,
which is patterned before the doping, actoally defines the precise location of the channel region,
and thus the location of the source and drain regions. This procedure, called the self-aligned
process, allows for a very precise positioning of the two regions relative to the gate. Self-align-
ment 13 instrumental in reducing parasitic capacitances in the transistor. The process continues
with the deposition of the metallic interconnect layers. These consist of a repetition of the fol-
lowing steps {i-k): deposition of the insulating material (most often $i0,), etching of the con-
tact or via holes, deposition of the metal (most often aluminum and copper, although tungsten
often is vsed for the lower layers), and patterning of the metal. Intermediate planarization steps,
using chemical-mechanical polishing or CMP, ensure that the surface remains reasonably flaf,
even in the presence of multiple interconnect Jayers. After the last level of metal is deposited, a
final passivation or overglass is deposited for protection. This laver would be CVD SiO,,
although often an additional layer of nitride is deposited because it is more impervious to mois-
ture. The final processing step etches openings to the pads used for bonding.

A cross sectfon of the final artifact is shown in Figure 2-8. Observe how the transistors
occupy only a small fraction of the fotal height of the structure. The interconnect layers take up
the majority of the vertical dimension.

_— transistor

Figure 2-8 Cross section of state-of-the-art CMOS process.

'Mest modern processes also include extra Implanis for the crestion of the liphtly doped drain regions {(LDD}, and the
creation of gate spacers ot this point. We have omitied these [or the sake of simplicity.
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2.3 Design Rules—Between the Designer
and the Process Engineer

As processes become more complex, requiring the designer to understand the intricacies of the
fabrication process and interpret the relations between the different masks is a sure road to trou-
ble. The goal of defining a set of design rules is to allow for a ready translation of a circuit con-
cept into an actual geometry in silicon. The design rules act as the interface or even the contract
between the circuit designer and the process engineer.

Circuit designers generally want tighter, smaller designs, which lead to higher perfor-
mance and higher circuit density. The process engineer, on the other hand, wants a reproducible
and high-yield process. Consequently, design rules are a compromise that attempts to satisfy
bath sides,

The design rules provide a set of guidelines for constructing the varfous masks needed in
the patterning precess. They consist of minimem-width and minimum-spacing constraints and
requirements between objects on the same or different layers.

The fundamental unity in the definition of a set of design rules is the minimum line width.
It stands for the minimum mask dimension that can be safely transferred to the semiconductor
material. In general, the minimum line width is set by the resolution of the patterning process,
which is most cominoniy based on optical lithography. More advanced approaches use electron-
beam EUV, or X-ray sources, all of which offer a finer resolution, but currently they are less
attractive from an economical standpoint.

Even for the same minimum dimension, design rules tend to differ from company to com-
pany, and from process to process. This makes porting an existing design between different pro-
cesses a time-consuming task. One approach to address this issue is to use advanced CAD
techniques, which allow for migration between compatible processes. Another approach is to
use scalable design rules. The latter approach, made popular by Mead and Conway [Mead80],
defines ali rules as a function of a single parameter, most often called . The rules are chosen so
that a design is easily ported over a cross section of industrial processes. Scaling of the mini-
mum dimension is accomplished by simply changing the value of A. This results in a linear scal-
ing of all dimensions. For a given process, A is set to a specific value, and all design dimensions
are consequently translated into absolute numbers. Typically, the mininwm line width of a pro-
cess is set to 22, For instance, for a 0.23 (um process (i.e., a process with 2 minimum line width
of 0.25 wm), A equals 0.125 um.

This approach, while attractive, suffers from two disadvantages:

1. Linear scaling is possible only over a limited range of dimensions {for instance, between
0.25 pim and 0.18 pm). When scaling over larger ranges, the relations between the differ-
ent layers tend to vary in a nonlinear way that cannot be adequately covered by the linear
scaling rules.

2. Scalable design riles are conservative: They represent a cross section over different tech-
nologies, and they must represent the worst case rules for the whole set. This results in
overdimensioned and less dense designs.
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For these and other reasons, scalable design rules normally are avoided by industry.® As circuit
density is a prime geal in indastrial designs, most semiconductor companies tend to use micron
ruies, which express the design rules in absolute dimensions and therefore can exploit the fea-
tures of a given process to & maximum degree. Scaling and porting designs between technolo-
gies under these rules is more demanding and has to be performed either manually or using
advanced CAD toals.

For this book, we have selected a “vanilla” 0.25 um CMOS process as our preferred
implementation medium. The rest of this section is devoted to a short introduction and overview
of the design rules of this process, which fail in the micron-rules class. A complete design-rule
set consists of the following entities: a set of layers, relations between objects on the same layer,
and relations between objects on different layers. We discuss each of them in sequence.

Layer Represeniation

The layer concept translates the intractable set of masks currently used in CMOS into a simple
set of conceptual layout levels that are easier to visualize by the circuit designer. From a
designer’s viewpoint, all CMOS designs are based on the following entities:

* Substrares and/or wells, which are p-type (for NMOS devices) and n-type (for PMOS)

* Diffusion regions (n* and p*), which define the areas where transistors can be formed.
These regions are often called the active areas. Diffusions of an inverse type are needed to
implement contacts to the wells or to the subsirate. These are called select regions.

* One or more polysilicon layers, which are used to form the gate electrodes of the transis-
tors {bur serve as interconnect layers as well),

= A number of metal inferconnect layers.

« Contact and via layers, which provide interlayer connections.

A layout consists of a combination of polygons, each of which is attached to a certain layer. The
functionality of the circuit is determined by the choice of the layers, as well as the interplay
between objects on different layers, For example, an MOS transistor is formed by the cross sec-
ticn of the diffusion layer and the polysilicon layer. An interconnection between two metal lay-
ers is formed by a cross section between the two metal layers and an additional contact layer. To
visualize these reiations, each layer is assigned a standard color (or stipple pattern for a black-
and-white representation). The different layers used in our CMOS process are represented in
Colorplate ! {color insert).

Intralayer Constraints

A first set of rules defines the minimum dimensions of objects on each layer, as well as the min-
tum spacings between objects on the same layer. All distances are expressed in lum. These con-
straints are presented in pictorial fashion in Colorplate 2.

YWhile not entively accurate, lambda rules are still useful to estimate the impact of a technology scale on the area of adesign.
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interlayer Constraints
Interlayer rules tend to be more complex. Because multiple layers are involved, it is harder to
visualize their meaning or functionality. Understanding layout requires the capability of translat-
ing the two-dimensional picture of the layout drawing into the three-dimensional reality of the
actual device. This takes some practice.

We present these rules in 2 set of separate groupings:

1. Transistor Bules (Colorplate 2). A transistor is formed by the overlap of the active and the pol-
ysilicon layers. From the intralayer design rales, it is already clear that the minimum length of
a transistor equals (.24 pm {the miniraum width of polysilicon), while its width s at leas: 0.3
prz {the minimum width of diffusion}. Extra rules include the spacing between the active area
arl the well boundary, the gate overlap of the active area, and the active overlap of the gate.

2. Contact and Via Rules (Colorplates 2 and 4). A contact (which forms an interconnection
between metal and active or polysilicon) or a via (which connects two metal layers) is
formed by overlapping the two inferconnecting layers and providing a contact hole, filied
with metal, between the two. In our process, the minimum size of the contact hole i 0.3
um, whike the pelysilicon and diffusion layers have to extend at least 0.14 um beyond the
area of the contact hole, This sets the minimum area of a contact to 0.44 jim x .44 . This
is larger than the dimensions of a minimum-size transistor! Excessive changes between
interconnect layers in routing should therefore be avoided. The figure, furthermore, points
out the minimum spacings between contact and via holes, as well as their relationship with
the surrounding layers.

3. Well and Substrate Contacts (Colorplate 5). For robast digital circuit design, it is important for
the well and substrate regions to be adequately connected to the supply voltages. Failing to do
so results in aresistive path between the substrate contact of the transistors and the supply rails,
and can lead to possibly devastating parasitic effects, such as latchup. It is therefore advisable
to provide mimerous substrate (well) contacts spread over the complete region. To establish an
ohmic contact between a supply rail, implemented in metall, and a p-type material, a p* diffu-
sion region must be provided. This is enabled by the sefect layer, which reverses the type of dif-
fusion. A number of rules regarding the use of the sefect layer are illustrated in Colorplate 5.

Consider an n-well process, which implerents the PMOS transistors into an n-type well
diffused in a p-type material. The nominal diffusion is p*. To invert the polarity of the diffusion,
an n-select layer is provided that helps to establish the »* diffusions for the well contacts in the
n-region, as well as the #* source and drain regions for the NMOS transistors in the substrate.

Verifying the Layout

Ensuring that none of the design rules are violated is a fundamental requirement of the design
process, Failing to do so will almost surely lead 1o a nonfunctional design. Doing so for a com-
plex design that can contain millions of transistors is no simple task either, especially given the
complexity of some design-rule sets, While design teams in the past used to spend numerous
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hours staring at room-size layout plots, most of this waork is now done by computers. Computer-
aided Design-Rule Checking {called DRCY) is an integral part of the design cycle for virtually
every chip produced today. A number of layout tools even perform en-line DRC and check the
design in the background during the time of conception.

Example 2.1 Layout Example

An example of a complete layout containing an inverter is shown in Figure 2-9. To help
the visualizartion process, a vertical cross section of the process along the design center is
included, as well as a circuit schematie.

GNB %”D 1]

Cui

{a} Layout

{b) Cross section along A-A"

in

e
GND I ] % Yoo

Out

(c) Circuit diagram

Figure 2-8 A delailed layout example, including vertical process cross section and circuit
diagram,

it is left as an exercise for the reader to determing the sizes of both the NMQS and
the PMOS transistors.
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2.4 Packaging Integrated Circuits

The IC package plays a fundamental role in the operation and performance of a component.
Besides providing a means of bringing signal and supply wires in and out of the silicon die, it
also removes the heat generated by the cireuit and provides mechanical support. Finally, it also
protects the die against environmental conditions such as humidity.

In addition, the packaging technology has a major impact on the performance and power
dissipation of a microprocessor or signal processor. This influence is getting more pronounced
as time progresses due to the reduction in internai signal delays and on-chip capacitance result-
ing from technology scaling. Currently, up to 50% of the delay of a high-performance computer
is due to packaging delays, and this number is expected to rise. The search for higher perfor-
mance packages with fewer inductive or capacitive parasitics has accelerated in recent years.
The increasing complexity of what can be integrated onr a single die alse translates into a need
for ever more input/outpat pins, as the number of connections going off-chip tends to be roughly
proportional to the complexity of the circuitry on the chip. This relationship was first observed
by E. Rent of IBM (published in [Landman71]}, who translated it into an empirical formula that,
appropriately, is called Rent’s rule. This formula relates the number of input/output pins to the
complexity of the circuit, as measured by the number of gates. It is written as

P = KxGP 2.0

where K is the average number of 1/Os per gate, G the number of gates, J the Rent exponent, and
£ the number of IO pins to the chip. [§ varies between 0.1 and 0.7. Its value depends strongly
upon the application area, architecture, and organization of the circuit, as demonstrated in
Table 2-1. Clearly, microprocessors display a very different input/output behavior compared to
MEMories.

The observed rate of pin-count increase for integrated circuits varies from 8% to 11% per
year, and it has been projected that packages with more than 2000 pins will be required by 2010.
For all these reasons, traditional dual-in-line, through-hole mounted packages have been
replaced by other approaches, such as surface-mount, ball-grid array, and muoltichip module

Table 2-1 Rent's consiant for various classes of systems ([Bakoglug0})

Application B K
Static memory G.12 0
Microprocessor 0.45 0.82
Gate array 0.3 1.9
High-speed computer {chip} 0463 1.4
High-speed computer {board) 025 32
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techpiques. It is useful for the circuit designer to be aware of the available options and their pros
and cons.

Due to its muhiifunctionality, a good package must comply with a large variety of
requirements:

= Electrical requirements—Pins should exhibit iow capacitance {(both interwire and to the
substrate), resistance, and inductance. A large characteristic impedance should be tuned to
optimize transmission line behavior. Observe that intrinsic integrated-circuit impedances
are high.

« Mechanical and thermal properiies—The heat removal rate should be as high as possi-
ble. Mechanical reliability requires a good matching between the thermal properties of the
die and the chip camrier. Long-term reliability requires a strong connection from die to
package, as well as from package to board.

* Low Cost-—Cost is one of the more important properties to consider in any project. For
example, while ceramics have a superior performance over plastic packages, they are also
substantially more expensive. Increasing the heat removal capacity of a package also tends
1 raise the package cost. The least expensive plastic packaging can dissipate up to 1 W.
Shightly more expensive, but still of somewhat low quality, plastic packages can dissipate
up to 2 W, Higher dissipation requires more expensive ceramic packaging. Chips dissipat-
ing over 20 W require special beat sink attachments. Even more extreme techniques such
as fans and blowers, lquid cooling hardware, or heat pipes are needed for higher dissipa-
tion levels,

Packing density is a major factor in reducing board cost. The increasing pin count either
requires an increase in the package size or a reduction in the pitch between the pins. Both
have a profound effect on the packaging economics.

Packages can be classified in many different ways: by their main material, the number of
interconnection levels, and the means used to remove heat. In this brief section, we provide only
sketches of each of those issues.

2.4.1 Package Materials

The most common materials used for the package body are ceramic and polymers {plastics).
The latter have the advantage of being substamtially cheaper, but they suffer from inferior
thermal properties. For exampie, the ceramic AlO; (alumina) conducts heat better than Si0,
and the polyimide plastic by factors of 30 and 100, respectively. Furthermore, its thermal
expansion coefficient is substantially closer to the typical interconnect metals. The disadvan-
tage of ahunina and other ceramics is their high dielectric constant, which resulis in large
interconnect capacitances.
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2.4.2 Iinterconnect Leveis

The traditional packaging approach uses a two-level interconnection strategy. The die is first
attached to an individual chip carrier or substrate. The package body contains an internal cavity
where the chip is mounted. These cavities provide ample room for many connections to the chip
leads (or pins). The leads compose the second interconnect level and connect the chip to the glo-
bal interconnect medium, which normally is a PC board. Complex systems contain even more
interconnect levels, since boards are connected together using backplanes or ribbon cables. The
first two layers of the interconnect hierarchy are illustrated in the drawing of Figure 2-10. The
sections that follow provide a brief overview of the interconnect techniques used at levels one
and two of the interconnect hicrarchy, and a brief discussion of some more advanced packaging
approaches.

Interconnect Level 1—Die-to-Package Substrate

For a long time, wire bonding was the technique of choice to provide an electrical connection
between die and package. In this approach, the backside of the die is attached to the substrate
using glue with 2 good thermal conductance. Next, the chip pads are individually connected
to the lead frame with aluminum or gold wires. The wire-bonding machine used for this pur-
pose operates much like a sewing machine. An example of wire bonding is shown in
Figure 2-11. Although the wire-bonding process is automated to a large degree, it has some
major disadvantages:

1. Wires must be attached serially, one after the other. This leads to longer manufacturing
tirmes with increasing pin counts. '

2. Larger pin counts make it substantially more challenging to find bonding patterns that
avoid shorts between the wires,

3. The exact value of the parasitics is hard to predict because of the manufacturing approach
and irregular outlay.

Bonding wire: chip to substrate

Chip

cavity

Pin: substrate to hoard
Figure 2-10 Interconnect hierarchy in traditional IC packaging.
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Substrate

Bonding wire

Lead frame

Figure 2-11  Wire bonding.

Bonding wires have inferior electrical properties, such as a high individual inductance
¢5 nH or more) and mutual inductance with neighboring signals. The inductance of a bonding
wire is typically about 1 nH/mm, while the inductance per package pin ranges between 7 and
40 nH per pin, depending on the type of package as well as the positioning of the pin on the
package boundary [Steidei83]. Typical values of the parasitic inductances and capacitances for
a number of commonly used packages are summarized in Table 2-2.

New attachment techniques are being explored as a result of these deficiencies. In one
approach, cailed Tupe Automated Bonding (or TAB), the die is attached to a metal lead frame that
is printed on a polymer film, typically polyimide {see Figure 2-12a). The connection between
chip pads and polymer film wires is made using solder bumps (Figure 2-12b). The tape can then
be conneeted to the package body using a number of technigues. One possible approach is to use
DIESSUre CONNECctors.

The advantage of the TAB process is that it is highly automated. The sprockets in the film
are used for automatic transport. All connections are made simultaneously. The printed approach
helps to reduce the wiring pitch, which results in higher lead counts. Elimination of the long bond-
ing wires improves the electrical performance. For instance, for 2 two-conductor Jayer, 48 mm

Table 2-2 Typical capacitance and inductance values of package
and bonding styles (from [Steidel83], [Franzong3], and [HarperG0]).

Capacitance inductance
Package Type {(pF} (nH)
68-pin plastic DIP 4 35
68-pin ceramic DIP 7 20
300 pin Ball Grid Array 1-5 2-15
Wire bond .51 -2
Solder bump 0.1-0.5 (0.01-0.1
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{a} Polymer tape with imprinted wiring patiern (b} Die attachment using solder bumps

Figure 2-12 Tape-auiomaled bonding (TABL

Solder bumps

<~—— Interconnect
fayers

Substrate

Figure 2-13 Flip-chip bonding.

TAB Circuit, the foilowing electrical parameters hold: L = 0.3-0.5 nH, € = {.2-0.3 pF, and
R = 50-200 Q {Doanef3, p. 420].

Amnother approach is to flip the die upside down and attach it directly to the substrate
using solder bumps. This technigue, called flip-ckip mounting, has the advantage of a superior
electrical performance (see Figure 2-13.) Instead of making all the I/O connections on the die
boundary, pads can be placed at any position on the chip. This can help address the power- and
clock-distribution problems, since the interconnect materials on the substrate (e.g., Cu or Au)
typically are of better guality than the Al on the chip.

Interconnect Level 2—Package Substrate to Beard

When connecting the package to the PC board, #uough-fiole mounting has been the packaging
stvle of choice. A PC board is manufactured by stacking layers of copper and insulating epoxy
giass. In the through-hole mounting approach, holes are drilled through the board and plated
with copper. The package pins are inserted and elgcirical connection is made with solder (see
Figure 2-14a). The favored package in this class was the dugl-in-line package or DIP, as in
Figure 2-13-2. The packaging density of the DIP degrades rapidly when the number of pins
exceeds 64, This problem can be alleviated by using the pin-grid-array (PGA) package that has
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() Through-hole mounting {b) Surface mount

Figure 2-14 Board-mounting approaches.

leads on the entire boitom surface instead of only on the periphery {Figure 2-15-3}. PGAs can
extend to large pin counts {over 400 pins are possible).

The through-hole mounting approach offers a mechanicaliy reliable and sturdy connec-
tion. However, this comes at the expense of packaging density. For mechanical reasons, a mini-
mum pitch of 2.54 mm between the through holes is required. Even under those circumstances,
PGAs with large numbers of pins tend to substantially weaken the board. In addition, through
holes limit the board packing density by blocking lines that might otherwise have been routed
below them, which resulis in longer interconnections. PGAs with large pin counts therefore
reguire extra routing layers io connect to the muititudes of pins. Finally, while the parasitic
capacitance and inductance of the PGA are slightly lower than that of the DIP, their values are
still substantial,

Many of the shortcomings of the through-hole mounting approach are solved by using the
surface-mount technique. A chip is attached to the surface of the board with a solder connection
without requiring any through holes (Figure 2-14b}. Packing density is increased for the follow-
ing reasons: {1) through holes are eliminated, which provides more wiring space; (2) the lead
pitch is reduced; and (3) chips can be mounted on bath sides of the board. Tn addition, the climi-
nation of the through holes improves the mechanical strength of the board. On the negative side,
the on-the-surface connection makes the chip-beard connection weaker. Not only is it cumber-
some 1o mount & component on a board, but also more expensive equipment is needed, since a
simple soldering iron will no longer suffice. Finally, testing of the board is more complex,
because the package pins are no longer accessible at the backside of the board. Signal probing
becomes difficult or almost impossibie.

A variety of surface-mount packages are currently in use with different pitch and pin-
count parameters. Three of these packages are shown in Figure 2-15: the small-cuiline package
with gull wings, the plastic leaded package (PLCC) with J-shaped leads, and the feadless chip
carrier. An overview of the most important parameters for a number of packages is given in
Table 2-3.

Even surface-mount packaging is unable to satisfy the quest for ever higher pin counts.
This is worsened by the demand for power connections: teday’s high performance chips, operat-
ing at low supply voltages, require as many power and ground pins as signal I/Os! When more
than 300 YO connections are needed, solder balls replace pins as the preferred interconnect
medium between package and board. An example of such a packaging approach, called ceramic
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1 Bare die

2 DiP

3 PGA

4 Small-outline IC
5 Quad flat pack
6 PLCC

7 Leadiess carrier

Figure 2-15  An overview of commonly used package iypes.

Table 2-3 Parameters of various types of chip carriers.

Lead Spacing Lead Count
Package Type {Typical) (Maximum)
Dual in line 2.54 mm G4
Pin grid array 2.54 mm > 300
Small-ocutline IC L27 mim 28
Leaded chip carrier (PLCC) 1.27 mm 124
Leadless chip carrier .75 mm 124

ball grid array (BGA), is shown in Figure 2-16. Solder bumps are used to connect both the die
to the package substrate, and the package to the board. The area array interconnect of the BGA
provides constant input/output density regardless of the number of total package I/O pins. A
minimum pitch between solder balls of as low as 0.8 mm can be obtained, and packages with
multiple thousands of IO signals are feasibie.

Multichip Modules—Die-to-Board

The deep hierarchy of interconnect levels in the package is becoming unacceptable in today’s
complex designs due to their higher levels of integration, large signal counts, and increased
performance requirements. The trend, therefore, is toward reducing the number of levels. For
the time being, attention is focused on the elimination of the first level in the packaging hier-
archy. Removing one fayer in the packaging hierarchy by mounting the die directly on the
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Figure 2-16 Ball grnid array packaging; (8) cross section, {b) photo of package bottom.

wiring backpianes—board or substrate—oifers a substantial benefit when performance or den-
sity s a maior issue. This packaging approach is called the multichip module technique {or
MCM), and results in a substantial increase in packing density, as well as improved perfor-
mance overatl.

A number of the previously mentioned die-mounting technigues can be adapted fo mount
dies directly on the substrate, including wire bonding, TAB, and flip-chip, although the latter
two are preferable. The substrate itself can vary over 2 wide range of materials, depending upon
the required mechanical, electrical, thermal, and economical requirements. Materials of choice
are epoxy substrates (similar to PC boards), metal, ceramics, and silicon. Silicon has the advan-
tage of presenting a perfect match in mechanical and therimal properties with respect to the die
material.

The main advantages of the MCM approach are the increased packaging density and per-
formance. An example of an MCM module implemented using a silicon subsirate {commonly
dubbed sificon on silicon) is shown in Figure 2-17. The module, which implements an avionics
processor module and is fabricated by Rockwell International, contains 53 ICs and 40 discrete
devices on a 2.27 X 2.2” substrate with aluminum polyimide interconnect. The interconnect
wires are only an order of magnitude wider than what is typical for on-chip wires, since similar
patterning approaches are used. The module itself has 180 /O pins. Performance is improved by
the elimination of the chip-carrier layer with its assorted parasitics, and through a reduction of
the global wiring lengths on the die, a result of the increased packaging density. For instance, a
solder bump has an assorted capacitance and inductance of only 8.1 pF and 0.01 nH, respec-
tively, The MCM technology can also reduce power consumption significantly, since large out-
put diivers—and associated dissipation—become superfluous dve to the reduced load
capacitance of the output pads. The dynamic power associated with the switching of the large
load capaciiances is simultaneously reduced.

While MCM technology offers some clear benefits, its main disadvantage is economic.
This technology requires some advanced manufacturing steps that make the process expensive,
The approach was antil recently enly justifiable when either dense housing or extreme perfor-
mance is essential. In recent years, the economics have been shifting, and advanced multichip
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Figure 2-17 Avionics processor module. Courtesy of Rockwell Callins, inc.

packaging approaches have made inroad in several low-cost high-density applications as well.
This trend is called the svstem-in-a-package (SIP) strategy.

2.4.3 Thermal Censiderations in Packaging

As the power consumption of integrated circuits rises, it becomes increasingly important to effi-
ciently remove the heat generated by the chips. A large number of failure mechanisms in ICs are
accentuated by increased temperatures. Examples are leakage in reverse-biased diodes, elec-
tromigration, and hot-electron trapping. To prevent failure, the temperature of the die must be
kept within certain ranges. The supported temperature range for commercial devices during
operation equals 0° to 70°C. Military parts are more demanding and require a temperature range
varying from -55° 10 125°C.

The cooling effectiveness of a package depends on the thermal conduction {resistance) of
the package material, which consists of the package substrate and body, the package composi-
tion, and the effectiveness of the heat transfer between package and cooling medium. Standard
packaging approaches use still or circulating air as the cooling medium. The transfer efficiency
can be improved by adding finned metal heat sinks to the package. More expensive packaging
approaches, such as those used in mainframes or supercomputers, force air, liguids, or inert
gases through tiny ducts in the package to achieve even greater cooling efficiencies.

Given the thermal resistance € of the package, expressed in *C/W, we can derive the chip
temperature by using the seat flow equation

AT = Topiy—Tomy = 60, ' 22)
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with 7, and T,,,, the chip and environment temperzatures, respectively. (J represents the heat
flow {in Watt), Observe how closely the heat fiow equation resembies Ohm’s Law. The heat flow
and temperature differential are the equivalents of current and voltage difference, respectively.
Thermal modeling of a chip, its package, and its environment is a compiex task. We refer the
reader to [1.au98 — Chapter 3] for a more detailed discussion on the topic,

Example 2.2 Thermal Conduction of Package

As an example, a 40-pin DIP has a thermal resistance of 38°C/W and 25°C/W for natural
and forced convection of air. This means that a DIP can dissipate 2 watts {3 watts) of
power with natural {forced) air convection, and still keep the temperature difference
between the die and the environment below 75°C. For comparison, the thermal resistance
of a ceramic PGA ranges from 15° to 30°C/W.

Since packaging approaches with decreased thermal resistance are prohibitively expen-
sive, keeping the power dissipation of an integrated circuit within bounds is an economic neces-
sity. The increasing integration levels and circuit performance make this task nontrivial, An
interesting relationship in this confext has been derived by Nagata [Nagata92]. It provides a
bound on the integration complexity and performance as a function of the thermal parameters.
We write

Ng AT
P gl 23
t, ~BE (2.3)
where N is the number of gates on the chip, ¢, the propagation delay, AT the maximum temper-
ature difference between chip and environment, € the thermal resistance between them, and E
the switching enerpy of each gate.

Example 2.3 Thermal Bounds on Integration
For AT = 100°C, 8 =2.5°C/W and £ = 0.1 pJ, this results in Ngft, <4x 10° {gates/nsec).
It other words, the maximum number of gates on a chip, when all gates are operating
simultaneously, must be less than 400,000 if the switching speed of each gate is 1 nsec,
This is equivalent to a power dissipation of 40W,

Fortunately, not all gates are operating simultaneously in real systems. The maximum
number of gates can be substantially larger, based on the activity in the circuit. For example, it
has been experimentally derived that the ratio between the average switching period and the
propagation delay ranges from 20 to 200 in wini- and large-scale computers [Masaki92].
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Nevertheless, Eq. (2.3) demonstrates that heat dissipation and thermal concerns present an
important limitation on circuit integration. Design approaches for low power that reduce either E
or the activity factor are rapidly gaining importance,

2.5 Perspective—Trends in Process Technology

Modern CMOS processes pretly much track the flow described in the previous sections,
ajthough a number of the steps might be reversed, a single well approach might be followed, a
grown field oxide instead of the trench approach might be used, or extra steps such as LDD
(Lightly Doped Drain) might be introduced. Also, it is guite common te cover the polysilicon
interconnections as well as the drain and source regions with a sificide such as TiSi, to improve
the conductivity {see Figure 2-2). This extra operation is inserted between steps ¢ and j of our
process. Some important modifications or improvements to the technology are currently under
way or are on the horizen, and deserve some attention. Beyond these, we expect no dramatic
changes from the described CMOS technology in the next decade.

2.51 Shori-Term Developments

Copper and Low-k Dielectrics

A recurring theme throughout this book will be the increasing impact of interconnect on the over-
all design performance. Process engineers are continuously evaluating alternative options for the
traditicnal Aluminum-conductor—SiO,-insulator combination that has been the norm for the last
several decades. In 1998, engineers at IBM introduced an approach that finally made the use of
copper as an interconnect material in a CMOS process viable and economical [Geppert98]. Cop-
per has a resistivity that is substantially lower than aluminum. It has the disadvantage of easy dif-
fusion into silicon, which degrades the characteristics of the devices. Coating the copper with a
buffer material such as titanium-nitride, preventing the diffusion, addresses this problem, but
requires a special deposition process. The Dual Damascene process, introduced by IBM,
{Figure 2-18) uses a metallization approach that fills trenches etched into the insulator, foliowed
by a chemical-mechanieal polishing step. This is in contrast with the traditional approach that
first deposits a full metal layer, and removes the redundant material through etching.

In addition to the lower resistivity interconnections, insulator materials with a lower
dielectric constant than S10,, and hence, lower capacitance have also found their way into the
production process, starting with the 0.18-itm CMOS process generation.

Silicon on Insulator

Although it has been around a long time, there seems to be a good chance that Silicon-on-Insula-
tor (SO CMOS might replace the traditional CMOS process, deseribed in the previous sections
{also known as the bulk CMOS process). The main difference Hes in the start material: the SOl
transistors are constructed in a very thin layer of silicon, deposited on top of a thick layer of
insulating 510, (see Figure 2-19). The primary advantages of the SO!I process are reduced
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Daal damascene IC process

* Oxide deposition

= Stud lithography and
reactive ion eich

*Wire lithography and
reactive ion eich

* Stud and wire
metal deposition

* Metal chemical-
mechanical palish

{a) (b}

Figure 2-18 The damascene process (from [GeppertB8}}: process steps (a),
and microphotogragh of interconnect after removal of insulator (b).

parasitics and better fransistor on—off characteristics. It has, for example, been demenstrated by
researchers at IBM, that the porting of a design from a bulk CMOS to an 501 process—leaving
alt other design and process parameters such as channel length and oxide thickness identical—
yields a performance improvement of 22% [Allen$9]. Preparing 2 high quality SOI substrate at
an economical cost was long the main hindrance against a large-scale introduction of the pro-
cess. This picture had changed by the end of the 1990s, and SOI is steadily moving into the
mainstream.

p-substiaie

{a) {b)

Figure 2-19 Silicon-on-insulator process—schematic diagram {a} and SEM
cross section {b). [Eaglesham89].
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2.5.2 Inthe Longer Term

Extending the life of CMIOS technclogy beyond the next decade, and going deeply below the 100 nm
channel length region, however, will require redeveloping the process technology and the device
structure. Already we are witnessing the emergence of a wide range of new devices (such as organic
wransistors, molecular switches, and quantum devices). While we cannot project what approaches will
dominate in the next era, one interesting development is worth mentioning.

Truly Three-Dimensional Integrated Circuits

Getting signals in and out of the computation elements in a timely fashion is one of the main
challenges presented by the continued increase in integration density. One way to address this
problem is to introduce exitra active layers, and to sandwich them between the metal interconnect
layers, as shown in Figure 2-20. This enables us to position high density memory on iop of the
logic processors implemented in the bulk CMOS, reducing the distance between computation
and storage, and thus aiso the delay {SouriC0]. In addition, devices with different voltage, perfor-
mance, or sithstrate material requireinents can be placed in different layers. For instance, the top
active layer can be reserved for the realization of optical transceivers, which may help to address
the inputfoutput requirements, or MEMS (Micro Electro-Mechanical Systems]) devices provid-
mg sensoring functions or radio frequency (RF) interfaces.

While this approach may seem to be promising, a number of major challenges and hin-
drances have to be resolved to make it truly viable. How to remove the dissipated heat is one of
the more compelling questions, ensuring vield is another. Researchers are demonstrating major
progress on these issues, and 3D integration might well be on the horizon, Before the true solu-
tion arrives, we might have {o rely on some intermediate approaches. One alternative, called
2.5D inregration, is to bond two fully processed wafers, on which circuits are fabricated on the

[ optical devige: . T3 Optieal ¥0; MEMS

=] M3

T2 High-Density Memory
= M2

= M1

Ti Logic

Figure 2-28 Exampie of true 3D integration. Extra active layers (T},
impiementing high-density memory and /O, are sandwiched betwesn
the metal interconnect layers {M*).
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surface such that the chips completely overlap. Vias are etched to electrically connect both chips
after metallization. The advantages of this technology lie in the similar elecrical properties of
devices on all active levels and the independence of processing temperature since ali chips can
be fabricated separately and later bonded. The major limitation of this technique is its lack of
precision (best case alignment: +/— 2 um), which restricts the interchip communication to global
metal lines.

One picture that strongly emerges from these futuristic devices is that the line between
chip, substrate, package, and board is blurring. Designers of these sysienis on a die or svstenss in
a package will have to consider ali these aspects simulianeously.

2.6 Summary

This chapter has presented a bird’s-eye view of the manufacturing and packaging process of
CMOS integrated circuits:

« The manufacturing process of integrated circuits requires many steps, each of which con-
sists of a sequence of basic operations. A number of these steps and/or eperations, such as
photolithograpical exposure and development, material deposition, and etching, are exe-
cuted very repetitively in the course of the manufacturing process.

« The optical mesks forms the central interface between the intrinsics of the manufacturing
process and the design that the user wants to see transferred fo the silicon fabric.

s The design-rules set defines the constraints in terms of minimum width and separation that
the IC design has to adhere fo if the resulting cirenit is to be fully functional. These design
rules act as the contract between the circnit designer and the process engineer.

» The package forms the interface between the circuit implemented on the silicon die and
the outside world, and as such has a major impact on the performance, reliability, longev-
ity, and cost of the integrated circuit.

2.7 To Probe Further

Many books on semiconductor manufacturing have been published in the last few decades. An
excellent overview of the state of the-art in CMOS manufactaring is Silicon VLSI Technology by
1. Plummer, M. Deal, and P. Griffin {Plummer00]. A visual overview of the different steps in the
manufacturing process can be found on the Web at [Fullman99]. Other sources for information
are the JEEE Transactions on Electron Devices, and the Technical Digest of the IEDM confer-
ence. A number of great compendia are available for up-to-date and in-depth information about
electronic packaging. [Doane93], {Harper00], and [Lau93] are good examples of such,
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DESIGN METHODOLOGY INSERT

A

IC LAYOUT

Creating a manufacturable layout

Verifyving the layout

The increasing complexity of the integrated circuit has made the role of design-automation tools
indispensable, and raises the abstractions the designer is working with to ever higher levels. Yet,
when performance or design density is of primary impartance, the designer has no other choice
than to return to handcrafiing the circuit topolegy and physical design. The labor-intensive
nature of this approach, called custom design, translates into a high cost and a long time to mar-
ket. Therefore, it can only be justified economically under the following conditions:

* The custom block can be reused many times, as a library cell, for instance.

= The cost can be amortized over a large volume. Microprocessors and semiconductor mem-
ories are examples of applications in this class.

» Cost is not among the prime design criteria.’ Examples include space applications and sci-
entific instrumentation.

With continuous progress in the design-avtomation arena, the share of custom design
reduces from yvear (o year. Even in high-performance microprocessors, large portions are

“This is becoming increasingly rare,
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designed amutomaticaily using semicustom design approaches. Only the most performance-
critical modules—such as the integer and floating-point execution units——are handerafted.

Although the amount of design automation in the custom design process is minimal, some
design tools have proven © be indispensable. Together with circuit simulators, these programs
form the core of every design-automation environment, and they are the first tools an aspiring
circuit designer will encounter.

Layout Editor

The layout editor is the premier working tool of the designer and exists primarily for the genera-
tion of a physical representation of a design, given a circuit topology. Virtually every design-auto-
mation vendor offers an entry in this field. The most well known is the MAGIC tool developed at
the University of California at Berkeley [Ousterhout84], which has been widely distributed. Even
though MAGIC did not withstand the evolution of software technology and user interface, some
of its offspring did. Throughout this book, we will be using a layout tool called max, a MAGIC
descendant developed by a company called MicroMagic [mmid0]. A typical max display is
shown in Figure A-1 and illustrates the basic functioa of the layout editor—placing polygons on

FEn EibE Yorm deoa Tood §isy L0oa) BB Treeee (0dsm, BRE lemets, ST ot sehosd

EE el 4,350, 4160 Bos

BT T

Figure A-1 View of a max display window. It piots the layout of two stacked NMOS transistor.
The menu on the left side allows for the selection of the layer a particular poligon will be placed on.

63



insert A » IC LAYOUT 69

different mask layers so that a functional physical design is obtained (scathingly called polygon
pushing).

Symbolic Layout

Since physical design occupies a major fraction of the design time for a new cell or component,
technigues to expedite this process have been In continual demand. The swabolic-fayout
approach has gained popularity over the vears. In this design methodelogy, the designer only
draws a shorthand notation for the layout structore. This notation indicates only the refative
positioning of the various design componernts (transistors, contacts, wires). The absolute coordi-
nates of these elements are determined automatically by the editor using a compactor [Hsueh79,
Weste93]. The compactor translates the design rules into a set of constraints on the component
positions, and solves a constrained optimization problem that attempts to minimize the area or
another cost function.

An example of & symbolic notation for a circuit topology catled a sticks diagram is shown
in Figure A-2. The different layout entities are dimensionless, since only positioning is impor-
tant. The advantage of this approach is that the designer does not have to worry about design
rules, because the compactor ensures that the final layout is physically correct. Thus, she can
avoid cumbersome polygon manipulations. Another plus of the symbolic approach is that cells
can adjust themselves automatically to the environment. For example, automatic pitch matching
of cells is an atiractive feature in module generators. Consider the case of Figore A-3 (from
{Croes88D), in which the original cells have different heights, and the terminal positions do not
match. Connecting the cells would require extra wiring. The symbolic approach allows the cells
te adjust themselves and connect without any overhead,

The disadvantage of the symbolic approach is that the outcome of the compaction phase
often is unpredictable. The resulting layout can be less dense than what is obtained with the
manual approach. This has prevented it from becoming a mainstream layout tool. Nonetheless,
symbolic layout techniques have improved considerably over the years, and they have become
very useful as a first-order drafting tool for new cells. More important, they form the solid
underpining of the automatic cell-generation techniques, described later, in Chapter 8.

Figure A-2 Sticks representation of CMOS inverier. The numbers represent the {Widif¥Length)-
ratios of the transistors.

64



70 insert A » ICLAYOUT

iy i
2=k N E N %’_k?..dz
| £

AFTER

Figure A-3 Automatic pitch matching of data path celis based on symbolic layout.

Design-Rute Checking

Design rules were introduced in Chapter 2 as a set of layout restrictions that ensure the manufac-
tured design will operate as desired with no short or open circuits. A prime requirement of the
physical layout of a design is that it adhere 10 these rules. This can be verified with the aid of a
design-rule checker {DRC), which uses as inputs the physical layout of o design and a descrip-
tion of the design rules presented in the form of 3 rechnology fife. Since a complex circuit can
contain millions of polygons that must be checked against each other, efficiency is the most
important property of a good DRC tool. The verification of a large chip can take hours or days of
computation time. One way of expediting the process is to preserve the design hierarchy at the
physical level. For example, if a cell is used multiple times in a design, it should be checked only
once. Besides speeding up the process, the use of hierarchy can make error messages more infor-
mative by retaining knowledge of the circuit structure.

DRC tools come in two formats: (1) The on-fing DRC runs concurrent with the layout edi-
tor and fiags design violations during the cell layout. For instance, max has a built-in design-rule
checking facility. An example of on-line DRC is shown in Figure A-4. (2) Barch DRC is used as
a postdesign verifier; it is run on 3 complete chip prior to shipping the mask descriptions to the
raanufacturer.

Circait Extraction

Anocther important tool in the custom-design methodology is the circuit extractor, which derives
a circuit schematic from a physical layout. By scanning the various layers and their interactions,
the extractor reconstructs the tranpsistor petwork, including the sizes of the devices and the inter-
connections. The schematic produced can be used to verify that the artwork implements the
intended function. Furthermore, the resulting circuit diagram contains precise information on
the parasitics, such as the diffusion and wiring capacitances and resistances, This allows for a
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poly_not_fet to all_diff minimsm spacing = .14 um.

Figure A-4 On-line design rule checking. The white dots indicate a design rule viclation.
The violated rule can be obtained with a simple mouse click.

more accurate simulation and analysis. The complexity of the extraction depends greatly upon
the desired information. Most extractors extract the transistor network and the capacitances of
the interconnect with respect to GND or other network nodes. Extraction of the wiring resis-
tances already comes af a greater cost, yel it has become & necessity for virtually all high-
performance cireuits. Clever algorithms have helped to reduce the complexity of the resulting
circuit diagrams. For very high-speed circuits, extraction of the inductance would be desirable as
well. Unfortunately, this requires a three-dimensional analysis and is only feasible for small-
sized circuits at present.

A.1 To Probe Further

More detailed information regarding the MAGIC and max layoui editors can be found on the
web site of this book. In-depth textbooks on layout generation and verification have been pub-
lished, and can be of great help w0 the novice designer. To mention a few of them, [Clein0C],
[Uyemura93), and [Woli94] offer some comprehensive and well-illustrated treatment and
discussion.
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5.1 Introduction

The inverter is truly the nucleus of all digital designs, Once its operation and properties are
clearly understood, designing more intricate structures such as logic gates, adders, multipliers,
and microprocessors is greatly simplified. The electrical behavior of these complex circuits can
be almost completely derived by exirapolating the results obtained for inverters. The analysis of
inverters can be extended to explain the behavior of more complex gates such as NAND, NOR,
or XOR, which in turn form the building blocks for modules such as multipliers and processors.

In this chapter, we focus on a single incarnation of the inverter gate——the static CMOS
inverter. This is certainly the most popular inverter at present, and therefore deserves special
attention. We analyze the gate with respect (o the different design metrics that were cutlined in
Chapter 1:

= cost, expressed by the complexity and area

« integrity and robusiness, expressed by the static {or steady-siate) behavior
* performance, determined by the dynamic (or transient) response

* znergy efficiency, set by the energy and power consumption

Using this analysis, we develop a model of the gate and identify its desiga parameters. We
develop methods to choose the parameter values so that the resulting design meets the desired
specifications. While each of these parameters can easily be quantified for a given technology,
we also discuss how they are affected by scaling of the 1echnology.

While the chapter focuses uniquely on the CMOS inverter, in the next chapter, we see that
the same methodclogy also applies to other gate topologies.

5.2 The Static CMOS Inverter—An Intuitive Perspeclive

Figure 5-1 shows the circuit diagram of a static CMOS inverter, Its operation is readily under-
stood with the aid of the simple switch model of the MOS transistor that we introduced in Chap-
ter 3 {see Figure 3-26). The transistor is nothing more than a switch with an infinite off-

V}}D

v

Vfﬂ z_c‘ ant
=46
z { L+

Figure 5-1 Static CMOS inverter. Vj;, stands for the supply voltage.
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Figure 5-2  Switch models of CMOS inverter.

resistance (for |V| < |V7]) and a finite on-resistance (for |Vg| > IVr]). This leads to the follow-
ing interpretation of the inverter. When V,, is high and equal to V,,, the NMOS transistor is on
and the PMOS is off. This yields the equivalent circuit of Figure 5-2a. A direct path exists
between V,, and the ground node, resulting in a steady-state value of 0 V. On the other hand,
when the input voltage is low (0 V), NMOS and PMOS transistors are off and on, respectively.
The equivalent circuit of Figure 5-2b shows that a path exists between Vpp and V. yielding a
high cutput voltage. The gate clearly functions as an inverter.

A number of other important properties of static CMOS can be derived from this switch

level view:

s The high and low ouiput levels equal Vp, and GND, respectively: in other words, the volt-
age swing is equal to the supply voltage. This resuits in high noise margins.

» The logic levels are not dependent upon the relative device sizes, so that the transistors can
be minimum size. Gates with this property are called rarioless. This is in contrast with
ratioed logic, where logic levels are determined by the relative dimensions of the compos-
ing transistors.

» In steady state, there always exists a path with finite resistance between the output and
either Vy, or GND. A well-designed CMOS inverter, therefore, has a low ouiput imped-
ance, which makes it less sensitive to noise and disturbances. Typical values of the ouiput
resistance are in k{2 range.

s The input resistance of the CMOS inverter is extremely high, as the gate of an MOS tran-
sistor is # virtually perfect insulator and draws no de input current. Since the input node of
the inverter only connects to transistor gates, the steady-state input current is nearly zero,
A single inverter can theoretically drive an infinite number of gates {or have an infintie
fan-out) and stili be functionally operational; however, increasing the fan-out also
increases the propagation delay, as will become clear shortly. Although fan-out does not
have any effect on the steady-state behavior, it degrades the transient response.
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= No direct path exists between the supply and ground rails under steady-state operating
conditions (i.e., when the input and outputs remain constant). The absence of current fiow
{ignoring leakage currents) means that the gate does not consume any static power.

SIDELINE: The preceding observation, while seemingly obvious, is of crucial importance, and
is one of the primary reasons CMOS is the digital technology of choice at present. The situation
was very different in the 1970s and carly 1980s. All early microprocessors—such as the Intel
4004-—were implemented iz a pure NMOS technology. The lack of complementary devices
(such as the NMOS and PMOS transistor) in such a technology makes the realization of invert-
ers with zero static power nontrivial. The resulting static power consumption puts a firm upper
bound on the number of gates that can be integrated on a single die; hence, the forced move to
CMOS in the 1980s, when scaling of the technology ailowed for higher integration densities.

‘The nature and the form of the voltage-ransfer characteristic (V'TC} can be graphically
deduced by superimposing the current characteristics of the NMOS and the PMOS devices.
Such a graphical construction is traditionally called a load-line plot. It requires that the -V
curves of the NMOS and PMOS devices are transformed onto a common coordinate set. We
have selected the input voltage V), the output voltage V,, and the NMOS drain current I, as
the variables of choice. The PMOS [-¥ relations can be translated into this variable space by the
following relations {the subscripts r and p denote the NMOS and PMOS devices, respectively):

i Dsp = ~I pse
VGSr: = V:‘;:; VGS;) = ?fﬂ_vf’)ﬂ (51}
VBSIE = Vﬁ-m; V.B‘S,n = Vo.'n_vi}ﬂ

The load-line curves of the PMOS device are obtained by a mirroring around the x-axis
and a horizontal shift over V. This procedure is outlined in Figure 5-3, where the subsequent

steps to adjust the original PMOS -V curves to the common coordinate set V,, V,,, and I, are
illustrated.
I.Dp ‘IDH I Dn
1 V,-" =0
V=13
VQS;J VDS}) Vam
Yoy 7 1 :> i .
Vo, = —2.3
G Vi =VYpp+ Vgs Vo = Vpp + Vpsp
Dz = Tipp

Figure 53 Transforming PMGCS &V characteristic to a common coordinate set (assuming
Vg_g = 2,5 V}
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{ Du

PMOS

Figure 5-4 Load curves for NMOS and PMOS transistors of the static CMOS inverter
{Vpp = 2.5 ¥). The dots represent the de operation points for various input voltages.

The resuliing load lines are plotted in Figure 5-4. For a dc operating poini to be valid, the
curren:s through the NMOS and PMOS devices must be equal. Graphically, this means that the
dc points must be located at the intersection of corresponding load lines. A number of those
points (for V, =8, 0.5, 1, 1.5, 2, and 2.5 V) are marked on the graph. As can be seen, all operat-
ing points are focated either at the high or low cutput levels. The YTC of the inverter thus exhib-
its a very narrow transition zone. This results from the high gain during the switching transient,
when both NMOS and PMOS are simultaneously on and in saturation. In that operation region,
a small change in the input voltage results in a large output variation. All these observations

translate into the VTC shown in Figure 5-5.

Vv

HEE NMOS off
PMOS res
2.5¢
MNWOS sat
PMOS 1es/
Z /
15 NMOS sat
HOS sat
1} /'
f‘ NMOS res
0.5 R PMOSsat  NMOS res
) e PMOS off
} E

05 L 15 2 25 ¥,

Figure 5-5 VTC of static CMOS inverter, derived from Figure 5-4 (Vpp = 2.5 V). For each oper-
ation region, the modes of the transistors are annctated—off, res{istive), or sat{urated).
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Figure 8-68 Switch mode! of dynamic behavior of static CMOS Inverter.

Before going into the analytical details of the operation of the CMOS inverter, 2 quali-
tative analysis of the transient behavior of the gate is appropriate, This response is domi-
nated mainly by the output capacitance of the gate, €, which is composed of the drain
diffusion capacitances of the NMOS and PMOS transistors, the capacitance of the connect-
ing wires, and the input capacitance of the fan-out gates. Assuming temporarily that the tran-
sistors switch instantancously, we can get an approximate idea of the fransient response by
using the simplified switch model again. Let us first consider the low-to-high transition (see
Figure 5-6a). The gate response time is simply determined by the time it takes to charge the
capacitor C; through the resistor R,. In Example 4.5, we learned that the propagation delay
of such a network is proportional to the time constant R,C;. Hence, a fast gate is built
either by keeping the output capacitance small or by decreasing the on-resistance of the
transistor. The latter is achieved by increasing the W/L ratio of the device. Similar consider-
ations are valid for the high-to-low transition (Figure 5-6b), which is dominated by the K, C;
time constant. The reader should be aware that the on-resistance of the NMOS and PMOS
transistor is not constant; rather, it iz a nonlinear fuaction of the voltage across the transis-
tor. This complicates the exact determinaticn of the propagation delay. (An in-depth analysis
of how to analyze and optimize the perfermance of the static CMOS inverter is offered in
Section 5.4.)

5.3 Evaluating the Robusiness of the CMOS Inverter—The Siatic
Behavior

In the preceding qualitative discussion, the overall shape of the voltage-transfer characteristic of
the static CMOS inverter was sketched, and the values of V,,; and V,;;—which are evaluated ©
Vpp and GND, respectively—were derived. It remains to determine the precise values of ¥y,
Vi and Vi, as well as the noise margins.
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5.3.1 Switching Threshold

The switching threshold V,, is defined as the point where V,, = V. Its value can be cbtained
graphically from the intersection of the VTC with the line given by V,, =V, (see Figure 5-5). In
this region, both PMQS and NMOS are always saturated, since Vg = V. An analytical expres-
sion for ¥y, is obtained by equating the currents through the transistors. We solve for the case in
which the supply voltage is high enough so that the devices can be assumed to be velocity-satu-
rated (or Vpgur < Vyy — V5). Purthermore, we ignore the channel length modulation effects. We

have

VDSAT}.' VDSAT
k;z VDS{%T;!(VM - V?}r - 3 ) + kp VDSA}"}J(VM - VDD - V?‘p 2 p) =0 (5.2}

Solving for Vy,; yvields

Vpsars Vosaz
(V?'n * ¥ ) +r (vDD * VT# + 2 p] k 2 ¥ psar Vsay W
with r= 2 25T Dsaw e (53

o
T+7 ‘;‘-'u VDS&?}! Vepn Wﬂ

Vi =
assuming identical oxide thicknesses for PMOS and NMOS transistors. For large values of Vi,
{compared with threshold and saturation voltages), Eq. (5.3) can be simplified:

F¥an
M™ ey

(5.4)

Equation (5.4) states that the switching threshold is set by the ratio r, which compares the relative
driving strengths of the PMOS and NMOS transistors. It is generally desirable for ¥, to be located
around the middle of the available voltage swing {or at Vpp/2), since this results in comparable
values for the Iow and high noise margins. This requires r to be approximately 1, which is equiv-
alent to sizing the PMOS device so that (W/L), = (WIL),, X (Vpgan#' Y (Vpsan &, ). To move Vy,
upwards, a larger value of r is required, which means making the PMOS wider. Increasing the
strength of the NMOS, on the other hand, moves the switching threshold closer to GND.

From Eq. (5.2), we derive the required ratio of PMOS to NMOS transistor sizes such that
the switching threshold is set to a desired value V!

(W/E")P = k”IVQSATn(Vﬁf - V'fn“ VDSATH’ZZ)

(5.3}

When using this expression, make sure that the assumption that both devices are velocity satu-
rated still holds for the chosen operation point.

Problem 5.1 Inverter Switching Threshold for Long-Channel Devices, or Low-Supply Veitages

The preceding expressions were derived under the assumption that the transistors are velocity satu-
rated. When the PMOS and NMOS are long-channel devices, or when the supply voltage is low,
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186 Chapter 5 + The CMOS inverter

velocity saturation does not ocour {Vy; — Vi < Vipr). Under these circumstances, the following equa-
tion holds for V.
) —k
7 withr = f—ﬂ (5.6)
ok,

i3

Vet riVpp+V
L 14+r

Derive this equation.

When designing static CMOS cireuits, it is advisable to balance the driving strengths of the transistors by
making the PMOS section wider than the NMOS section if maximizing the noise margins and obtainisg
symmeirical characteristics are desirad, The required ratio is given by Eq. (5.3} [

Example 5.1 Switching Threshold of CMOS Inverter

We derive the sizes of PMOS and NMOS transistors such that the switching threshold of a
CMOS inverter, implemented in our generic 0.25 pm CMOS process, is located in the
middle between the supply rails. We use the process parameters presented in Example 3.7,
and assume a supply voltage of 2.5 V. The minimum size device has a width-to-length
ratio of 1.5. With the aid of Eg, {3.5), we find that

(W/L), 115><10“‘"){9_.&__3)((;.25_0.43_0_63&) iy
(W/L), apx1g® 107 (125-04-10/2) 7

Figure 5-7 plots the values of switching threshold as a function of the PMOS-1o-
NMOS ratio, as obtained by circuit simulation, The simulated PMOS-to-NMOS ratio of
3.4 for a 1.25-V switching threshoid confirms the value predicted by Eq. (5.5).

17
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Figure 5-7 Simulated inverter switching threshold versus PMOS-t0-NMOS ratio {0.25-um
CMCS, Vop=23 V).

75

e '!'i%j
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An analysis of the curve of Figure 5-7 leads to some interasting observations:

. V) I8 relatively insensitive to variations in the device ratio. This means that small varia-
tions of the ratio {¢.g., making it 3 or 2.5) do net disturb the transfer characteristic that
much. It is therefore an accepted practice in industrial designs to set the width of the
PMOS transistor to values smaller than those required for exact symmetry. For the preced-
ing example, setting the ratio to 3, 2.5, and 2 yields switching thresholds of 1.22V, 118V,
and 1.13 'V, respectively.

2. The effect of changing the W -to-W), ratio is to shift the transient region of the VTC.
Increasing the width of the PMOS or the NMOS moves ¥, toward Vp, or GND,
respectively. This property can be very useful, as asymmetrical transfer characteristics
are actually desirable in some designs. This is demonstrated by the example of

Figare 5-8. The incoming signal V,, has a very noisy zero value. Passing this signal
through a symmetrical inverter would lead to erronecus values (Figure 5-8a). This can
be addressed by raising the threshold of the inverter, which results in a correct response
{Figure 5-8b). Later in the text we will see other circuit instances in which inverters
with asymmetrical switching thresholds are desirable. Changing the switching thresh-
old by a considerable amnount, however, is not easy, especiaily when the ratio of sup-
piy voltage to transistor threshold is relatively small (2.5/0.4 = 6, for our particular
exampls). To move the threshold to 1.5V requires a transistor ratic of 11, and further
increases are prohibitively expensive. Observe that Figure 5-7 is plotted in a semilog
format,

Vr‘n I
LY Vr?éi'?

Vin Vos«r
\ oA Ay

freiig

VOHI V@ﬂf

{a) Response of standard (b} Response of inverter with
imverter maodified threshold

Figure 5-8 Changing the inverier threshold can improve the circuit reliability.
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5.3.2 Noise Margins

' dv
By definition, V,; and ¥, are the operational points of the inverter where —= = 1, In the

dv
terminoclogy of the analog circuit designer. these are the points where the gain g of the amplifier,
formed by the inverter, is equal to —1. While it is indeed possible to derive analytical expressions
for Vy; and V,;, these tend to be unwieldy and provide little insight in what parameters are

iz

instrumental in setting the noise margins.

A simpler approach is to use a piece-wise linear approximation for the VTC, as shown in
Figure 5-8, The transition region is approximated by a straight Iine, the gain of which equals the
gain g at the switching threshold V. The crossover with the V,,,, and the V,, lines is used w0
define Vi and V;, peints. The error introduced is small and weit within the range of what is
required for an initial design. This approach yields the following expressions for the width of the
sransition region Vi — Vi, Vig. Vi, and the noise marging NA{,; and NM; :

(VOH - VOL} - _VDE}

VeV, =
™ Vi 2 2
Y Vop—Vu 5.1
V:'H = i”M—u‘%— VIL =3 yM-[-.—D_._E_.—

NMy = Vpp—Vig NM, =V,

These expressions make it increasingly clear that a high gain in the transition region is very

desirable. In the extreme case of an infinite gain, the noise margins simplify to ¥y, — V), and
Vi — Vi, for NM g and NM | respectively, and span the complete voliage swing.

it remains for us o determine the midpoint gain of the static CMOS inverter. We assume

once again that both PMOS and NMOS are velecity saturated. It is apparent from Figure 5-4 that

the gain is a strong function of the slopes of the currents in the saturation region. The channel-

v,

ot
F

Voul

;J"O L - V,-“
Vi Vg

Figure 5-2 A piecewise linear approximation of the VTG simplifies
the derivation of ¥, and V.
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length modulation factor therefore cannot be ignored in this analysis—doing so would lead to an
infinite gain. The gain can now be derived by differentiating the current Eq. (5.8), which is valid
around the switching threshold, with respectto ¥,

inT

""DSA’I‘
&ffyDS:‘a ?‘n(vz‘n - y?n - ) "){ I+ }"’n ymgfj +

v {5.8)
BYAT ,
kaDSAT;:(Vin - V}JD - yfp - 2 pJ(I ¥ ?\']JVG'??? - }“pVDD} =0
Differentiating and solving for 4V, /dV,,, yields
dvaur - k;:VDSA ?‘4;(1 + }L':s Vam} + kp VDSA TP{E + 7“]} Vo;;f - ?“pvf}f}) (5 9)
dviﬂ 7":;‘{";; VDSATH(V!'N - V?’sr - V.DS.-!T::’fz) + lpkpvpgﬁ}'pgviu - VDD"'VT;?_ VDSAT]J’lrz}
Ignoring some second-order terms and setting V, = V), produces the gain expression,
2= 1 ,fc” VDSAT:: + kp VBSA p
TV 2y — A
i)( M ) # r (5. 10)

L P47
(VM - V- VDS.-‘%T’:;‘/Z) (;‘}3“‘}"]))

with Ip(Vy,) the current flowing through the inverter for V), = V,,. The gain is almost purely
determined by technology parameters, especially the channel-length modulation. It can only be
influenced in a minor way by the designer through the choice of the supply voltage and the tran-
sistor sizes.

Example 5.2 Voltage Transfer Characteristic and Noise Margins of CMOS Inverter

Assume an inverter in the generic 0.25-pum CMOS technology designed with a PMOS-to-
NMOS ratie of 3.4 and with the NMOS transistor minimum size (W=0375 pm, L=0.25 um,
WL = 1.5). We first compute the gain at Vy, (= 1.25 V)

IV = L5x 115X 107° % 0.63 % (1.25-0.43 - 0.63/2) x (1 +0.06 X 1.25) = 50x 10™° A

-6 - 6
g = 1 ﬁl.ﬁxllﬁxlO K0B34+ 153x34x30x 107" x1.6 = -27.5 (Eq. 5.10a)
50 % 107 0.00+0.1

This yields the following values for ¥y, Vi, NM, NM

V]LZ 1.2“ ViH= %.3‘\], NIKL = NJ?V;H: 1.2
Figure 5-10 plots the simulated VTC of the inverter, as well as its derivative, the gain. A
close to ideal characteristic is obtained. The actual values of V;; and V), are 1.03 V and

145V, respectively, which leads to noise margins of 1.03 ¥V and 1.05 V. These values are
lower than those predicted, for two reasons:
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180 Chapter 5 » The CMOS Inverter

= Bqg. {5.10} overestimates the gain. As observed in Figure 5-10b, the maximum gain
(at V) equals only 17. This reduced gain would yield values for Vy; and ¥, of
1.17 V, and 1.33 V, respectively’. -

« The most important deviation is due to the plecewise linear approximation of the
VT, which is optimistic with respect to the actual noise margins.
The expressions obtained are, however, perfectly useful as first-order estimations, as
well as means of identifying the relevant parameters and their impact.

To conclude this example, we also extracted fiom simulations the output resistance
of the inverter in the low- and high-output states. Low values of 2.4 k€ and 3.3 k&3,
respectively, were observed. The output resistance is a good mieasure of the sensitivity of
the gate with respect to noise induced at the output, and is preferably as low as possible,

2.5

0 e S

%]

gain

pl ! L L
1 15 2 2.5 1] 0.5 1 1.5 2 25
Vi (V) %)
{2) (&)
Figure 5-10 Simulated Voltage Transfer Characteristic {a) and voltage gain (b) of CMOS
inverter {(0.25-pm CMOS, V=25 V).

SIDELINE: Surprisingly {or perhaps not so surprisingly), the static CMOS inverter can also be
used ag an analog amplifier, as it has a fairly high gain in its transition region. This region is very
narrow, however, as is apparent in the graph of Figure 5-10b. It also receives poor marks on
other amplifier properties such as supply noise rejection. Still, this observation can be used o
demonstrate one of the major differences between analog and digital design. Where the analog
designer would bias the amplifier in the middle of the transient region so that 3 maximum linear-
ity is obtained, the digital designer will operate the device in the regions of extreme nonlinearity,
resulting in well-defined and well-separated high and low signals.

! addition, Eq. {3.10)is notentirely valid for this particular exampie. The atientive readerwill ohserve that for the operating
conditions athand, the P03 operates in saturation mode, notvelocity saturation. The irp actontheresultis minor, however.
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Problem 5.2 Imverter Noise Margins for Long-Channe! Devices

Derive expressions for the gain and noise margins assuning that PMOS and NMOS are long-channel
devices {or that the suoply voltage is low), so that velocily saturation does not occur.

5.3.3 Robusiness Revisited

Device Variatfions

While we design a gate for nominal operation conditions and typical device parameters, we
should always be aware that the actual operating temperature might vary over a large range, and
that the device parameters after fabrication probably will deviate from the nominal values we
used in our design optimization process. Fortunately, the dc characteristics of the static CMOS
inverter turn out to be rather insensitive to these variations, and the gate remains functional over
a wide range of operating comditions. This already became apparent in Figure 5-7, which shows
that variations in the device sizes have only a minor impact on the switching threshold of the
inverter. To further confirm the assumed robustness of the gate, we have restmulated the voltage
transfer characteristic by replacing the nominal devices by their worst or best case incarnations,
Two corner cases are plotted in Figure 5-11: a better-than-expected NMOS, combined with an
inferior PMOS, and the opposite scenario. Comparing the resulting curves with the nominal
response shows that the operation of the gate is by no means affected, and that the variations
mainly cause a shift in the switching threshold. This robust behavior, which ensures functional-
ity of the gate over a wide range of conditions, has contributed in a big way to the popularity of
the static CMOS gate.

23 9 E
2 N\ Good PMOS -
%i T Bad NMOS
s 15F i .
< i — Nominal
>° i % ]
Good NMOS il
Bad PMOS i
0.5 \ -
o ! b

0 es 1 1s 2 25
Vfu (V)
Figure 5-11 Impact of device variations cn static CMOS inverter VTC.
The “good” device has a smailer oxide thickness (- 3 nm), a smaller length

(— 25 nmy), & higher width (+ 30 nm}, and a smaller threshoid (- 50 mV). The
opposite is true for the "bad” transistor.
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Scaling the Supply Voltage

In Chapter 3, we observed that continuing technology scaling forces the supply voltages w©
reduce at rates similar to the device dimensions. At the same time, device threshold voltages are
virtually kept constant. You may wonder about the impact of this trend on the integrity parame-
ters of the CMOS inverter. Do inverters keep on working when the voltages are scaled. and are
there potential Hmits to the supply scaling?

A first hint on what might happen was offered in Eq. (5.10), which indicates that the gain
of the inverter in the transition region actually increases with a reduction of the supply voltage!
Note that for a fixed transistor ratio , V, is approximately proportional to Vpp. Plotting the (nor-
malized) VTC for different supply voltages not only confirms this conjecture, but even shows
that the inverter is well and alive for supply voltages close to the threshold voltage of the com-
posing transistors (see Figure 5-12a). At a voltage of 0.5 V—which is just 100 mV above the
threshold of the mansistors—the width of the transition region measures enly 10% of the supply
voltage (for a maximum gain of 35), while it widens to 17% for 2.5 V. So, given this improve-
ment in dc characteristics, why do we not choose to operate all of our digital circuits at these low
supply voltages? Three important reasons come to mind:

* Reducing the supply voltage indiscriminately has a positive impact on the energy dissipa-
tion, but is absclutely detrimental to the delay of the gate, as we will learn in the next
sections.

» The dec characteristic becomes increasingly sensitive to variations in the device parame-
ters, such as the transistor threshold, once suppiy voltages and intrinsic voltages become
comparable.

« Scaling the supply voltage means reducing the signal swing. While this typicaliy helps (o
reduce the internal noise in the system (such as caused by crosstalk}, it makes the design
more sensitive to external noise sources that do not scale,
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{a) Reducing Vpp improves the gain, {b} but it detoriates for very tow supply voitages.

Figure 5-12 VTC of CMOS inverter as a function of supply voltage (0.25-um CMOS technologys.
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5.4 Performance of CMOS Inverter: The Dynamic Behavior 163

To provide an insight into the question on potential limits to the voltage scaling, we have
plotted the voltage transfer characteristic of the same inverter for the even lower supply voltages
of 200 mV, 100 mV, and 50 mV in Figure 5-12b. The transistor thresholds are kept at the same
level. Amazingly enough, we still obtain an inverter characteristic, even though the supply volt-
age is not large enough to turn the transistors on! The explanation can be found in the subthresh-
old operation of the transistors. The subthreshold currents are sufficient to switch the gate
between low and high levels, as well as to provide enough gain to produce acceptable VTCs, The
low value of the switching currents ensures a very slow operation, but this might be acceptable
for some applications (such as watches, for example).

At around 100 mV, we start observing a major deterioration of the gate characteristic. Vi,
and Vp, are no longer at the supply rails and the transition region gain approaches 1. The latter
turas out to be a fundamental showstopper, T achieve sufficient gain for use in a digital circuir,
it is necessary that the supply be at least two times ¢ = k¥Yg (= 25 mV at room temperature), the
thermal voltage introduced in Chapter 3 [Swanson72]. It turns out that below this same voltage,
thermal noise becomes an issue as well, poteniially resulting in unreliable operation. We express
this relation as

VDD;:JF:1>2,‘.4%‘ (5.11}

Equation (3.11) presents a true lower bound on supply scaling. It suggests that the only way to
get CMOS inverters to operate below 100 mV is to reduce the ambient temperature—or in other
words, 1o cool the circuit.

Problem 53 Minimum Supply Veltage of CMOS Inverter

Once the supply voltage drops below the threshold voltage, the trassistors operate in the subthreshold
region, and display an exponential current—voltage relationship (as expressed in Eq. (2.39)). Derive an
expression for the gain of the inverter under these circumstances (assume symmetrical NMOS and PMOS
transistors, and a maximum gain at ¥y, = V,,5/2). The resulting expression demonsiates that the minimum
voltage is 2 function of the slope factor n of the transistor:

g =-(3je™" -1 (5.12)

According to this expression, the gaindrops o -1 at Vpp =48 mV (forn= 1.3 and 47T =25 mV.

5.4 Performance of CMOS Inverter: The Dynamic Behavior

The qualirative analysis presented earlier concluded that the propagation delay of the CMOS
inverter is determined by the time it takes to charge and discharge the load capacitor C; through
the PMOS and NMOS wansistors, respectively. This observation suggests that getting C; as
small as possible Is erucial te the realization of high-performanee CMOS eireanits. It is thus
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194 Chapter 5 « The CMOS inverter

warthwhile to first study the major components of the load capacitance before embarking on an
in-depth nnalysis of the propagation delay of the gate. In addition to this detailed analysis, this
section also presents a summary of techniques that a designer might use to optimize the perfor-
mance of the inverter.

541 Computing the Capacitances

Manual anatysis of MOS circuits where each capacitor is considered individually is virtwally
impossible. The problem is exacerbated by the many nonlinear capacitances in the MOS transis-
tor model, To make the analysis tractable, we assume that all capacitances are lumped together
into one single capacitor €}, located between V,,, and GND. Be aware that this is a considerable
simplification of the actual situation, even in the case of a simple inverter.

Figure 5-13 shows the schematic of a cascaded inverter pair. It includes ali the capaci-
tances influencing the transient response of node V. It is initially assumed that the input V,, is
driven by an ideal voltuge source with zero rize and fall times. Accounting only for capacitances

connecied to the output node, C, breaks down into the foliowing components.

Gate-Drain Capacitance Coqy5

M, and M, are either in cut-off or in the saturation mode during the first half (up to 50% point) of
the output transient. Under these circumstances, the only contributions to C, 5, are the overlap
capacitances of both A4, and M.,. The channel capacitance of the MOS transistors does not play a
role here, as it is located either completely between gate and bulk (cut-off) or gate and source
{sataration) (see Chapier 3).

The lumped capacitor model now requires that this fleating gate-drain capacitor be
replaced by a capacitance to ground. This is accomplished by taking the so-called Miller effect
into account. During a low-high or high-low transition, the terminals of the gate-drain capaci-
tor are moving in opposile divections (see Figure 5-14). The voltage change over the floating
capacitor is thus twice the actual output voltage swing. To present an identical load to the out-

Yoo
Vz:az:v -
I— M,
'_‘ _L‘C{féi 1534 ‘_'CI E4
Vi, o —-L——f;ﬂj Vot Vourz

Fh

Figure 5-13 Parasitic capacitances, influencing the transient hehavior
of the cascaded inverier pair.
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Figure 5-14 The Miller effect—A capacitor experiencing identical but opposite
voltage swings af both its terminals can be replaced by a capacitor to grolnd, whoss
value is two times the otiginal valus,

put node, the capacitance to ground must have a value that is twice as large as the floating
capacitance.

We use the following equation for the gate-drain capacitors: Cy= 2 CpoW (with Cgpg the
overlap capacitance per unit widih as used in the SPICE model). For an in-depth discussion of
the Miller effect, please refer to textbooks such as [Sedra&7, p. 5712

Diffusion Capacitances Cy,; and C;

The capacitance between drain and bulk is due to the reverse-biased pr-junction. Such a capaci-
tor is, unfortunately, quite nonlinear and depends heavily on the applied voltage. We argued in
Chapter 3 that the best approach to simplifving the analysis is to replace the nonlinear capacitor
by a linear one with the same change in charge for the voltage range of interest. A multiplication
factor K, 1s introduced to relate the linearized capacitor to the value of the junction capacitance
under zero-bias conditions.

Cop = Ko yCo (5.13)

&q

with Cy the junction capacitance per unit area under zero-bias conditions. For convenience, we
repeat Eq. (3.11) here, writien as

) 5
4 (Vfrz'gfs"_ V}(}w}(l - 1)

K {{gﬂ - yizigi:) oo {@(}" V"mv)l ~m] (5‘14)

with ¢ the built-in junction potential and m the grading coefficient of the junction. Observe thar
the junction voltage is defined to be negative for reverse-biased junctions.

Example 5.3 K, for a 2.5-V CMOS Inverter

Consider the inverter of Figure 5-13 designed in the generic 0.25-um CMOS technology,
The relevant capacitance parameters for this process were summarized in Table 3-3.

Let us first analyze the NMOS traasistor (Cy,, in Figure 5-13). The propagation
delay 1s defined by the time between the 50% transiticns of the input and the output. For

the CMOS inverter, this is the time instance where V,, reaches [.25-V, as the output

“The Miller effect discussed in this context is a sinplified version of the general analog case. In a digital inverter, the
large-scale gain betwesn input zad output always egaals —1.
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voltage swing goes from rail to rail or equals 2.5 V. We therefore linearize the junction
capacitance over the imterval {25V, 1.25 V} for the high-to-low transition, and
{0, 1.25 V} for the low-to-high transition,

During the high-to-low transition at the outpuy, V,, initially equals 2.5 V. Because
the bulk of the NMOS device is connected to GND, this transiates into a reverse volt-
age of 2.5V over the drain junction or V., = —2.5 V. At the 50% point, V,,= 125 V or
Vip = —1.25 V. Evaluating Eq. (3.14) for the bottom plate and sidewall components of
the diffusion capacitance yields the following data:

Bottom piate: eq (m =035, 6,=09=0.57

Sidewail: Koy (2= 0.44, 99 = 0.9) = 0.61
During the low-to-high transition, V,,, and ¥y, equal 0 V and —1.25 V, respectively,
resulting in higher values for K, -

Bottom plate: eq n=05,0,=091=079

Sidewall: Kogo (=044, $,=09)= 081
The PMOS iransistor displays a reverse behavior, as its substrate is connected 10 2.5 'V,
Hence, for the high-to-low transition (V.= 0, Vi, = ~1.25 V}, we have

Bottom plate: g =048, ¢;=093=0.79

Sidewail: Kooy i1 =032, 9o = 0.9) = 0.86

Finaily, for the low-to-high transition {V,,,=-1.25V, V., = 2.5 V), we have

Bottom plate: eq (m=0.48,0,=09)=0.59
Sidewall: (m=032,0,=09=07

equ'w

By using this approach, the junction capacitance can be replaced by a linear component and

treated ag any other device capacitance. The result of the linearization is a minor error in the voltage
and current waveforms. The logic delays are not significantly influenced by this simplification,

Wiring Capacitance C,

The capacitance dug to the wiring depends on the Iength and width of the connecting wires, and
is a function of the distance of the fan-out from the driving gate and the number of fan-out gates.
As argued in Chapter 4, this component is growing in importance with the scaling of the tech-
nology.

Gate Capacitance of Fan-Out C,; and Cy

We assume that the fan-out capacitance equals the total gate capacitance of the loading gates M,
and M,. Hence,

NMOS) + C,,,,(PMOS
( ) gat ) (5‘15}

(Casont Copont WL, Coxd + (Cos0, + Copop+ W,L,C 000

Cfmz-ar;.' = gare
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This expression simplifies the actual situation in two ways:

« It assumes that all components of the gate capacitance are connected between V,,, and
GND (or Vi), and it ignores the Miller effect on the gate—drain capacitances. This has a
relatively minor effect on the accuracy, since we can safely assume that the connecting
gate does not switch before the 50% point is reached, and V,, thus remains constant in

the interval of interest.

+ A second approximation is that the channel capacitance of the connecting gate is constant
over the interval of interest. This is not exactly the case as we discovered in Chapter 3. The
total channel] capacitance is a function of the operation mode of the device, and varies
from approximately (2/3) WLC  {satwration} to the full WLC,, (linear and cutoff). A drop
in overzll gate capacitance also oceurs just before the transistor turns on, as in Figure 3-31.
During the first half of the transient, it may be assumed that one of the load devices is
always in linear mode, while the other transistor evolves from the off mode to saturation.
Ignoring the capacitance variation results in a pessimistic estimation with an error of
approximately 10%, which is acceptable for a first-order analysis.

Example 5.4 Capacitances of a 0.23-um CMOS Inverter

A minimum-size, symmetrical CMOS inverter has been designed in the 0.25-um CMOS
technology. The layout is shown in Figure 5-15. The supply voltage V5 is set t0 2.5 V.
From the layout, we derive the transistor sizes, diffusion areas, and perimeters. This data is
summuarized in Table 5-1. As an example, we will derive the drain area and perimeter for
the NMOS transistor. The drain area is formed by the metal-diffusion contact, which has
an area of 4 x 4 A%, and the rectangle between contact and gate, which has an area of
3 % 1 A% This results in a total area of 19 2%, or 0.30 um? (as & = 0.125 pm). The perimeter
of the drain area is rather involved and consists of the following components (going coun-
terclockwise): S+ 4 +4+ 1+ 1=15%0r PD=15x0.125 = 1.875 um. Notice that the
gate side of the drain perimeter is not incladed, as this is not considered a part of the side-
wall. The drain area and perimeter of the PMOS transistor are derived similarly (the rectan-
gular shape makes the exercise considerably simpler): AD = 5 x 9 %= 45 32, or 0.7 um?;
PD=5+9+5=19X 0r2.375 pm.

Table 5-1 Inverter fransistor data.

WL AD (om®) PD {um) AS {(pm?) PS {u.m)
NMOS  0.375/40.25 0.3(i1929) L.875 (151 0.3 (19 A% 1.875 {154
PMOS 1.1254.25 0.7 (45 49 2375 (19 0.7 (45 x5 2.375 (190
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Figure 5-15 Layout of two chained, minimum-size inverters using SCMOS
Design Rules {see also Color-plate 8).

This physical information can be combined with the approximations derived sarlier
to come up with an estimation of €. The capacitor parameters for our generic process
were summarized in Table 3-5 and are repeated here for convenience:

Overlap capacitance: CGDYNMOS) = 0.31 fF/um; CGDOPMOS) = 0.27 fF/um

Bottom junction capacitance: CIINMOS) = 2 fF/um?;, CHPMOS) = 1.9 fFium?

Sidewall junction capacitance: CISW{NMOS) = 0.28 fF/um: CISW(PMOS) =0.22 fF/um
Gate capacitance: €, (NMOS) = C, (PMOS) =6 fRum®

Finally, we should also consider the capacitance coniributed by the wire connecting
the gates and implemented in metal 1 and polysilicon. A layout extraction program typically
delivers precise values for this parasitic capacitance. Inspection of the lavout helps us form
a first-order estimate. It yields that the metal-1 and poiysilicon areas of the wire, which are
not over active diffusion, equal 42 22 and 72 A2, respectively. With the aid of the interconnect
parameters of Table 4-2, we find the wire capacitance (observe that we ignore the fringing
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Table 5-2 Components of C; {for high-io-low and low-te-high transitions).

Value (fF} Value (fF}
LCapacitor Expression {H-L) (L - H)
Coat 2 CGDO, W, 0.23 0.23
Cot2 2CGD0, W, (.61 0.61
Can Kega AD, CT + Ky, PD, CISW 0.66 .90
Copa Keap ADs CF + Kioqp PD, CISW) 1.5 1.15
Ces {CGDOA+CGSO W, + C W, L, 0.76 0.76
Coa {CGDO+CCSOY W, + C, W, L, 228 2.28
Lo From Extraction 0.12 G.12
< z 6.1 6.0

capacitance in this simple exercise; due to the short length of the wire, this contribution can
be ignored compared with the other entries):

Cone = 42/8% 1m? x 30 aF/um? + 72/8% um®x 88 aF/pm? = 0.12 £F

The results of bringing all the components together are summarized in Table 5-2.
We use the values of K, derived in Example 5.3 for the computation of the diffusion
capacitances. Notice that the lead capacitance is almost evenly split between its two major
components: the intrinsic eapacitance, composed of diffusion and overlap capacitances,
and the extrinsic load capacitance, contributed by wire and connecting gate.

5.4.2 Propagation Delay: First-Order Analysis

One way to compute the propagation delay of the inverter is to integrate the capacitor

{dis)charge current. This results in the expression
V3

_ fqm

v}

, dv (5.16)

¥y
with / the (dis)charging current, v the voltage over the capacitor, and v, and v, the initial and
final voltage, respectively. An exact computation of this equation is intractable, as both C, (1)
and i{(v} are nonlinear functions of v. Instead, we fall back to the simplified switch mode{ of the
inverter introduced in Figure 5-6 to derive a reasonable approximation of the propagation delay
adequate Tor manual analysis. The voltage dependencies of the “on™ resistance and the load
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capacitor are addressed by replacing both by a constant linear element with a value averaged
over the interval of interest. The preceding section derived precisely this value for the load
capacitance. An expression for the average “on” resistance of the MOS transistor was already
derived in Example 3.8 and is repeated here for convenience:

Yop v
i YV 3 ¥pp 7.
R, = ~3 -y
€4 Van/2 J- f {(L+AV) 47 y ( g’ po
ppf2 o Ipsr DSAT AT

e

. W Vi
with fper = & z(iv,m)— Ve)Vpsar— D;T)

Deriving the propagation delay of the resulting circolt is now straightforward—it is noth-
ing more than the analysis of a first-order linear RC network, identical to the exercise of Exam-
ple 4.5. We learned there that the propagation delay of such a network, excited by a voltage step,
is proportional to the time constant of the network, formed by pull-down resistor and load capac-
itance. Henes,

tyur = I2IR,,,Cp = 0.69R,,,C; (5.18

egn
Similarly, we can obtain the propagation delay for the low-to-high transition. We write

tow = 0.69R,, C, (5.19)

eqp

with R, the equivalent on resistance of the PMOS transistor over the interval of interest. This anal-
ysis assumes that the equivalent load-capacitance is identical for both the high-to-low and low-to-
high transitions. This was shown to be approximately the case in the example of the previous sec-

tion. The overall propagation delay of the inverter is defined as the average of the two values:

o +1 R, +R
= _pHL " TpiH |/ Begn T Tegp
, . 0.69C, [~ —ear) (5.20)

Very often, it is desirable for a gate to have identical propagation delays for both rising and fail-
ing inputs. This condition can be achigved by making the “on” resistance of the NMOS and
PMOS approximately equal. Remember that this condition is identical to the requirement fora
symmetrical VTC,

Example 5.5 Propagation Delay of 2 .25 um CMOS Inverter

To derive the propagation delays of the CMOS inverter of Figure 5-13, we make use of Eq.
{5.18) and Egq. (5.19;. The load capacitance C; was already computed in Bxample 5.4,
while the equivalent “on” resistances of the transistors for the generic 0.25-4m CMOS
process were derived in Table 3-3. For a supply voltage of 2.5 V, the normalized “on”
resistances of NMOS and PMOS transistors equal 13 k€ and 31 kQ, respectively, From
the layout, we determine the {W-to-L) ratios of the {ransistors to be 1.5 for the NMOS, and
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4.5 for the PMOS. We assume that the difference between drawn and effective dimensions
is small enongh to be ignorable. This leads to the following values for the delays:

s = 0.69x(%2)x6.2 fF = 36 ps
31 kQ
b = 0.69><(4—5—) x 6.0 fF = 29 ps
and
36420y _
fﬂ-( 2 j-32.5§33

The accuracy of this analysis is checked by performing a SPICE transient simulation
on the circuit schematic, extracted from the layout of Figure 5-15. The computed transient
response of the circuit is plotted in Figure 5-16, and determines the propagation delays to
be 39.9 ps and 31.7 ps for the HL and LH transitians, respectively, The manual results are
good, considering the many simplifications made during their derivation. Notice in partic-
ular the overshoots on the simulated ouiput signals. These are caused by the gate-drain
capacitances of the inverter transistors, which couple the steep voltage step at the input
node directly to the output before the transistors can even start to react fo the changes at
the input. These overshoots clearly have a negative impact on the performance of the gate
and explain why the simulated delays are larger than the estimations.

3 7 T T 7
Vm

VON! (V)

|
g
b

G 0.5 1 1.5 2 235
t{sec) x 1070

Figure 5-16 Simulated transient response of the inverter of Figure 5-15.

WARNING: This example might give the impression that manual analysis always leads to
close approximations of the actual response, which is not necessarily the case. Large deviations
often can be observed between first- zad higher order models. The purpose of the manual
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analysis is to get a basic insight into the behavior of the circuit and to determine the dominant
parameters. A detailed simulation is indispensable when quantitative data is required. Consider
the preceding example a stroke of good luck. -

The cbvious question a designer asks at this point is how to manipulate or optimize the
delay of a gate. To provide an answer to this guestion, it is necessary to make the parameters
governing the delay explicit by expanding &, in the delay equation. Combining Eq. (5.18) and
Eq. (5.17), and assuming for the time being that the channel-length modulation factor 2 is ignor-
able, yields the following expression for £, (a similar analysis holds for 1, ;)

CoVpp _ CiVop

3
1, = 0.69% = (.52 . (5.25
PHL 4 IDSA}"R {ﬁ]/‘a‘}:z}{ n VDSﬁT;r(VDD - V}"ﬁ - VDS.%?&‘/Z)

In the majosity of designs, the supply voltage is chosen high enough so that Vg 5> Vi, 3
Vosara/2. Under these conditions, the delay becomes virtually independent of the supply
voltage:

CL

fogr =052 , (5.22)
pHE (I'E;’/L)uk n VDSATii

Observe that this is a first-order approximation, and that increasing the supply voltage

yields an observable, albeit small, improvement in performance due to a nonzero channel-length

modulation factor. This analysis is confirmed in Figure 5-17, which plots the propagation delay

of the inverter as a function of the supply voltage. It comes as no surprise that this curve is virtu-
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Figure 5-17 Propagation delay of CMOS inverter as a function of supply voltage
{normalized with respect to the delay at 2.5 V). The dots indicate the delay values
predicted by Eqg. (5.21). Observe that this equation is only valid when the devices are
velocity saturated. Hence, the deviation at fow supply voltages.
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5.4 Performance of CMOS inverter: The Dynamic Behavior 263

ally identical in shape to the one of Figure 3-28, which charts the equivalent “on” resistance of
the MOS transisior as a function of V,,. While the delay is relatively insensitive to supply vari-
ations for higher values of ¥,5, a sharp increase can be observed starting around = 2V, This
operation region clearly should be avoided if achieving high performance is a primary design
goal.

From the preceding discussion, we deduce that the propagation delay of a gate can be minimized in the fol-
lowing ways:

* Reduce ;. Remember that three major factors contribute o the load capacitance: the internal diffy-
sion capacitance of the gate iself, the interconnect capacitance, and the fan-out. Careful layout helps
to reduce the diffusion and interconnect capacitances. Geood destgn practice reguires keeping the
drain diffusion areas as siall as possible.

= Increase the W/L ratio of the transistors. This is the most powerful and effective performance opti-
mization teol in the hands of the desigrer. Proceed with caution, however, when applying this
approach. Increasing the transistor size also raises the diffusion capacitance and hence ;. In fact,
once the intrinsic capacitance {i.e. the diffusion capacitance) starts to dominate the extrinsic load
formed by wiring and fan-out, increasing the gate size ao longer helps in reducing the delay. It only
makes the gate targer in area. This effect is called self-foading. In addition, wide transistors have a
larger gate capacitance, which increases the fan-out factor of the driving gate and adversely affects
its speed as well.

« Increase Vyg. As llustrated in Figore 3-17, the delay of 2 gate can be madulated by modifying the
supply voliage. This flexibility allows the designer to irade off energy dissipation for performance, as
we will ss¢ in a later section. However, increasing the supply voltage above a certain level yields
only very minimal improvement and thus should be avoided, Also, reliability concerns (oxide break-
down, hot-electron effects) enforce firm upper bounds on the supply voltage in deep submicron
provesses. -

Problem 5.4 Propagatien Delay as a Function of (dis)charge Current

S0 far, we have expressed the propagation delay as a function of the equivalent resistance of the twansistors.
Another approach would be o replace the transistor by a current source with a value equal to the average
{disjcharge current over the interval of interest. Derive an expression of the propagation delay using this
alternative approach,

5.4.3 Propagation Delay from a Design Perspective

Some interesting design considerations and trade-offs can be derived from the delay expressions
we have derived so far. Most importantly, they lead to a general approach toward transistor siz-
ing that will prove to be extremely useful.

NMOS-te-PMOS Ratio
So far, we have consistently widened the PMOS transistor so that its resistance matches that of
the pull-down NMOS device. This typically requires a ratio of 3 to 3.5 between PMOS and
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NMOS width. The motivation behind this approach is to create an inverter with a symmetrical
VTC and to equate the high-fo-low and low-to-high propagation delays. However, this does not
imply that this ratio also yields the minimum overall propagation delay. If syminetry and
reduced noise marging are not of prime concern, it is actually possible to speed up the inverter by
reducing the width of the PMOS device!

The reasoning behind this statement 1s that, while widening the PMOS improves the 7,4
of the inverter by increasing the charging current, it also degrades the 1,4, by cavsing a larger
parasitic capacitance. When two contradictory effects are present, a transistor ratio must exist
that optimizes the propagation delay of the inverter,

This optirnum ratio can be derived using a simple analysis technique. Consider two identi-
cal cascaded CMOS inverters. The approximate oad capacitance of the first gate is given by

where C, and €, are the equivalent drain diffusion capacitances of PMOS and NMOS tran-
sistors of the first inverter and C; and €, are the gate capacitances of the second gate. iy rep-
resents the wiring capacitance.

When the PMOS devices are made [ times larger than the NMOS ones (B = {WJ’L}P{ (WIL), >,
all transistor capacitances scale in approximately the same way. or C =B Cyy, and C, 5 =
B Cyyp. Equation (5.23) can then be rewritten as

Based on Eq. {5.20), the following expression for the propagation delay can be derived,
.69 Re
t, = —({}'-*.B}(Cgful-l- az)'i'cvy)( eqn ™ qu)

(5.25)
= 0.345((1 + BY{Cyny + Coma) + CW)Req,,(i + é)

Here, r{=R 3y represents the resistance ratio of 1éf:nt1ca1}y sized PMOS and NMOS tran-

eqﬂ -sqn

sistors, The optimal value of B can be found by setting to &, which yields

aaﬁ

B = ; P 5.26)
ot Ajr( TC{E;:IJ"anZ) ( l

This means that when the wiring capacitance is negligible (Cy; + Cpp >> Gy, By,
equals 7, in contrast & the factor r normally used in the noncascaded case. If the wiring capac-
itance dominates, larger values of B should be used. The surprising result of this analysis is that
smaller device sizes (and thus a smaller design area) yield a faster design at the expense of sym-
metry and noise margin.
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Example 5.6 Sizing of CMOS Inverter Loaded by an Identical Gate

Consider again our standard design example. From the values of the equivalent resistances
{Table 3-3), we find that a ratio B of 2.4 (= 31 k€27 13 k) would vield a symmeirical tran-
sient response. Eq. (5.26) now predicts that the device ratio for an optimal performance
should equal 1.6, These resalts are verified in Figure 5-18, which plots the simulated prop-
agation delay as a function of the transistor ratic 8. The graph clearly illustrates how a
changing {5 trades off between 1., 5 and 4., . The optimum point cccurs around f§ = 1.9,
which is somewhat higher than predicted. Observe also that the rising and falling delays
are identical at the predicted point of f§ equal to 2.4. This is the preferred operation point
when the worst case delay is the prime concern.

» 197U

t(sec)

3 } i 1 ] ! H !
T 15 2 25 3 35 4 45 3
8

Figure 5-18 Propagation detay of CMOS inverter as a funciion
of the PMOS-10-NMOS transistor ratio §.

Sizing Inverters for Performance

In this analysis, we assume a symmetrical inverter, which is an inverter where PMOS and
NMOS are sized such that the rise and fall delays are identical. The load capacitance of the
inverter can be divided into an iptrinsic and an extrinsic compenent, or C; = C, + C,,;. Cp, Tep-
resents the self-loading or intrinsic output capacitance of the inverter, and is associated with the
diffusion capacitances of the NMOS and PMOS transistors as well as the gate—drain overlap
(Miller) capacitances. C,, is the extrinsic load capacitance, aitributable to fan-out and wiring

3You probably wonder why we do not atways ecnsider the worst of the rising and falling delays as the prime perfor-
mance measure of 3 gate. When cascading inverting gates 1o forin a more complex logic network, you quickly realize
that the average of the 1wo is a more meaningfal measure. A rising tzansition on one gate iz followed by a fafling transi-
tion oa the next.
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capacitance. Assuming that R,, stands for the equivalent resistance of the gate, we can express

the propagation delay as

0.69R, (C,,, + C.,,

7 egr( int e.i.) (527
{}’69R£qcém(i +C fcim) = ’{pﬁ{l + Ceﬁ;i’/ Cizef}

2x!

f

where 15 = 0.69 R, C,, represents the delay of the inverter only loaded by its own intrinsic
capacitance {C,.= 0}, and is called the inirinsic or unloaded delay.

The next question is how transistor sizing impacts the performance of the gate. To answer
this question, we must establish the relationship between the various parameters in Eq. {5.27}
and a sizing factor 5, which relates the transistor sizes of our inverter to a reference gate—
typically a minimum-sized inverter. The intrinsic capacitance C,,, consists of the diffusion and
Miller capacitances, both of which are proportional to the width of the transistors. Hence, C

=
SC,.;- The resistance of the gate relates to the reference gate as R, = R,,,/S. We can now rewrite
Eg. (5.27) as

-
}

= 069(R, 1/ §H(SCypo )1+ Coyt/(SChrep))

Ce H Ce.t (528}
0'69Rr€fciref(l + SMCg-jef) = 3‘;3{)(1 + SC“;{)

From this analysis, we draw two important conclusions:

» The intrinsic delay of the inverter 7, is independent of the sizing of the gate, and is deter-
mined purely by technology and inverter layout. When no load is present, an increase in
the drive of the gate is totally offset by the increased capacitance.

* Making § infinitely large vields the maximuom obtainable performance gain, eliminating
the impact of any external load, and reducing the delay to the intrinsic one. Yet, any sizing
factor S that 18 sufficiently larger than (C,,,/C,,,} produces similar results at a substantial
gain in silicon area.

Example 5.7 Device Sizing for Performance

Let us explore the performance improvement that can be obtained by device sizing in the
design of Example 5.5. We find from Table 5-2 that C,,/C,, = 1.053 (C,,, =3.0{F, C,, =
3.15 fF). This would predict a maximum performance gain of 2.05. A scaling factor of 10
allows us to get within 10% of this opiimal performance, while larger device sizes only
yield ignorable performance goins.

This is confirmed by simulation results, which predict a maximum obtainable per-
formance improvement of 1.9 {7,4= 19.3 ps). In Figure 5-19, we observe that the majority
of the improvement is already obtained for § = 5, and that sizing factors larger than 10

barely vield any extra gain.
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Figure 5-19 Increasing inverter performance by sizing the NMOS and PMCS transistor
with an identical factor S for a fixed fan-out {inverter of Figure 5-15).

Sizing a Chain of Inverters

While sizing up an inverter reduces its delay, it also increases its input capacitance, Gate sizing
in an isolated fashion without taking into account its impact on the delay of the preceding gates
is a purely academic enterprise. Therefore, a more relevant problem is determining the optimum
sizing of a gate when embedded in a real environment. A simple chain of inverters is a good
first case to study. To determine the input loading effect, the relationship between the input gate
capacitance C, and the intrinsic output capacitance of the inverter has to be established. Both are
proportional to the gate sizing. Hence, the following relationship holds, independently of gate
sizing:

Coe = ¥C, {5.29)

In Eq. {3.29), v is a proportionality factor that is only a function of technology and is close to |
for most submicron processes, as we observed in the preceding examples. Rewriting Eq. (5.28),
we obtain

£, = :ng I+ CL’“) = 7,0l + £/7) (5.30)
vore,
which establishes that the delay of an inverter is only a function of the raiioc between its exter-
nal Ioad capacitance and its inpet capacitance. This ratio is called the effective fan-out f.
Let us consider the circuit of Figure 5.20. The goal is to minimize the delay through the
inverter chain, with the input capacitance C,, of the first inverter—typically a minimaliy-sized
gate—and the load capacitance C, at the end of the chain fixed.
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Figure 5-20 Chain of N inverters with fixed input and outout capacitance.

Given the delay expression for the j-th inverter stage,”

C .
_ giell _ n

i = %o(i + ¥C,, ) = tpol 1 +5;/7) (5.31)

we can derive the total delay of the chain:

W N c \
Litl i 3 —
= Yt = zPQZLl t Wit Cp ey = €, (5.32)
j=1 i=1 N

This eguation has N — 1 unknowns, being Cg, 2 Cg_ PR Cg_ »- The minimum delay can be found

by taking N — 1 partial derivatives, and equating them t0 0, or 3¢,/9C, ; = 0. The result is a set
of constraints,

CojetlCoj=CgifCo s With(j=2..N) (5.33)
In other words, the eptimum size of each inverter is the geometric mean of its neighbors sizes:
P . N
Caqf = M‘Cg,3-lcg,;+1 {5.34)

This means that each inverter is sized up by the same factor f with respect to the preceding
gate, has the same effective fan-out {f; = f), and thus the same delay. With C, ; and C, given, we
can derive the sizing factor as

f=8C/C, = NF (5.35)
and the minimum delay through the chain as

t, = Nt o(1+NFry) (5.36)
F represents the overall effective fon-cut of the circuit and equals C/C, ;. Observe how the rela-
tionship between ¢, and F 18 a strong function of the number of stages. As expected, the relation-
ship is linear when only 1 stage is present. Introducing a second stage turns it into a square root
fupction, and so on. The obvious question now is how to choose the number of stages so that the
delay is minimized for a given value of F.

This expression ignores the wiring capacitance, which is a fair assumption for the time being.

97



5.4 Performance of CMOS Inverter; The Dynamic Behavior 208

Choosing the Right Number of Stages in an Inverter Chain

Evaivation of Eq. (5.36) reveals the trade-offs in choosing the number of stages for a given ¥
{=f™). When the number of stages is too large, the first component of the equation, which repre-
sents the intrinsic delay of the stages, becomes dominant. If the number of stages is too small,
the effective fan-out of each stage becomes large, and the second component is dominant, The
optimum value can be found by differentiating the minimum deiay expression by the number of
stages and setting the result to 0. We obtain

N
nF_ WFWF _
Y+ N

or equivalently (5.37;

f= e(lwff)

Equation (5.35) has only a closed-form solution for -y = 0—that is when the self-loading is
ignored and the ioad capacitance only consists of the fan-out. Under these simplified conditions,
it is found that the optimal number of stages equals N = In{F), and the effective fan-out of each
stage is set to f= ¢ = 2. 71828, This optimal buffer design scales consecutive stages in an expo-
nential fashion, and is thus called an exponential horn [Mead80]. When self-loading is included,
Eq. can only be solved numerically. The results are plotted in Figure 5-21a. For the typical case
of ¥ = 1, the optimum tapering factor turns out to be close to 3.6. Figure 5-21b plats the {(normal-
ized)y propagation delay of the inverter chain as a function of the effective fan-out for y= 1.
Choosing values of the fan-out that are higher than the optimum does not effect the delay very
much and reduces the required number of bufter stages and the implementation area. A common
practice is to select an optimum fan-out of 4. The use of too many stages {f< Fopeds on the other
hand, has a substantial negative impact on the delay, and should be avoided.
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{a) Optimum effective fan-oul f (or inverter {b) Nermalized propagation delay {£,/(1,.,))

scaling factor) as a function of the seif-loading  as a function of the effective fan-out ffory = 1.
factor vy in an inverter chain.

Figure 5-21 Optimizing the number of stages in an inverter chain.
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Example 5.8 The Impact of Introducing Buffer Stages

Table 5-3 enumerates the values of 1, /7, for the unbuffered design, the dual stage, and
optimized inverter chain for a variety of values of F (for v = 1). Observe the impressive
speedup obtained with cascaded inverters when driving very large capacitive loads.

Table 5-3 i/, versus x for various driver configurations.

F Unbuffered Two Stage Inverter Chain
16 i1 g2 g3
106 10 22 i6.5
1060 1004 63 24.8
1,000 10,00 202 33.1

The preceding analysis can be extended o not only cover chains of inverters, but also net-
works of inverters that contatn actual fan-out, an example of which is shown in Figure 5-22, We
merely have to adjust the expression for C,,, to incorporate the additional fan-out factors.

Problem 5.5 Sizing an Inverter Netweork

Determine the sizes of the inverters in the circuit of Figure 5-22, such that the delay between nodes Ouf and
In is minimized. You may assume that C; =684 C, ;.

Hints: Determine first the matios between the devices that minimize the delay. You shoulé find that
the foilowing relationship must hold:

s

I:?_DC

i

Figure 5-22 Inverier network, in which each gate has a fan-cut of 4 gates,
distributing a single input to 16 output signals in a treelike fashion.
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5.4 Performance of CMOS Inverter: The Dynamic Behavior 211

Finding the actual gate sizes {C, 5 = 2.52C ; = 6.35C, ) is a relatively straightforward task (with
2.52 = 16'3), Straightforward sizing of the inverter chain, without taking the extra fan-out into account,
would have led to a sizing factor of 4 insiead of 2.52.

The Rise-Fall Time of the Input Signal

All of the preceding expressions were derived under the assumption that the input signal to the
inverter abraptly changed from 0 to Vi or vice versa. Only one of the devices is assumed to be
on during the (dis)charging process. In reality, the input signal changes gradually and, tempo-
racily, PMOS and NMOS transistors conduct simultaneously. This affects the total current avail-
able for (dis)charging and impacts the propagation delay. Figure 5-23 plots the propagation
delay of a minimum-size inverter as a function of the input signal slope—as ¢btained from
SPICE. It can be observed that 1, increases (approximately) linearly with increasing input siope,
once ;> 1, (1, = 0}

While it is possible to derive an analytical expression describing the relationship between
mput signal slope and propagation delay, the result tends to be complex and of limited value.
From a design perspective, it is more valuable to relate the mpact of the finite slope on the per-
formance directly fo its cause, which is the limited driving capability of the preceding gate. If the
latter would be infinitely sirong, its ontput slope would be zero, and the performance of the gate
under examination would be unaffected. The strength of this approach is that it realizes that a
gate is never designed in isolation, and that its performance is affected by both the fan-cut and
the driving strength of the gate(s) feeding into its inputs. This leads to a revised expression for
the propagation delay of an inverter  in a chain of inverters [Hedenstierna87}:

N i (5.38)

Il siep itep

5 10“]}

a6 . [ [ I

0 2 4 6 8
iisec) 1071

Figure 5-23 {; as a function of the input signal siope (10-80% rise or fall time)
for minimum-size inverter with fan-out of a single gate.
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Eq. (3.38) states that the propagation delay of inverter i equals the sum of the delay of the same
gate for a siep input {rmp} (i.e. zero input slope} augmented with a fraction of the step-input
delay of the preceding gate {i ~ 1). The fraction 7 is an empirical constant, which typically has
values around 0,25, This expression has the advantage of being very simple, while exposing all
relationships necessary for the delay computations of complex circuits.

Example 5.9 Delay of Inverter Embedded in Network

Consider, for example, the circuit of Figure 5-22. With the aid of Eq. (5.31) and Eq. (538},
we ¢an derive an expression for the delay of the stage-2 inverter, marked by the gray box:

4C 4¢C
thy = }}O(E + s )-z-ntm\ & 2)
5 Z

An analysis of the overall propagation delay in the style of Problem 3.5, leads to the fol-
lowing revised sizing requirements for minimum delay:

41+m)C,. 4l+mC,. s &,

C:g, ! h Cg. 2 h Cg, 3

If we assume 1y = 0.25, f, and £, evaluate to 2.47,

ke s advantageous 0 keep the signal rise times smaller than or egual to the gate propagation delays. This
proves to be true not only for performance, but also for power consumption considerations, as will be dis-
cussed later. Keeping the rise and fal! times of the signals small and of approximately equal values is one of
the major challenges in high-performance desigr; it is often called slope engineering. - |

Problem 5.6 Impact of Input Slope

Petermine if reducing the supply voltage increases or decreases the influence of the input signal slope on
the propagation delay. Explain your answer.

Delay in the Presence of (Long) Inferconnect Wires

The interconnect wire has played a minimal role in our analvsis thus far. When gates get farther
apart, the wire capacitance and resistance can no longer be ignored, and may even dominate the
transient response. Earlier delay expressions can be adjusted to accommodate these extra contri-
butions by employing the wire modeling techniques introduced in the previous chapter. The
analysis defailed in Example 4.9 is directly applicable to the problem at hand. Consider the cir-
cuit of Figure 5-24, where an inverter drives a single fan-out through a wire of length L. The
driver is represented by a single resistance R, which is the average between R, and R, . C;;

eqn eqr
and C,, . account for the infrinsic capacitance of the driver, and the input capacitance of the fan-

jen

out gate, respectively.
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l:."’w’ Cas L}

I 1
Thyr l l l Cr

Figure 5-24 Inverter driving single gate through wire of length L.

The propagation delay of the circuit can be obtained by applying the Elmore delay
expression:

t, = 0.69R;,Crpy+ (0.69R 4, + 0.38R,)C,, + 0.69(Ry, + R, Cpa 539

= 0.69R,,{Cpy + C o) + 069(RyyC,, + 1, C gL+ 03870, L

int whw

The 0.38 factor accounts for the fact that the wire represents a distributed delay. C,, and R, stand
for the total capacitance and resistance of the wire, respectively. The delay expression contain a
component that is linear with the wire length, as well a quadratic one. It is the latter that causes
the wire delay to rapidly become the dominant factor in the delay budget for longer wires.

Example 5.1¢ Inverter Delay in Presence of Interconnect

Consider the circuit of Figure 5-24, and assume the device parameters of Example 3.5:
Gy =31F Cp,, =3 {F and R, =0.5(13/1.5 + 31/4.5} = 7.8 k). The wire is implemented in
metall and has a width of 0.4 pm—the minimum allowed. This yields the following
parameters: ¢,, = 92 aF/um, and r,, =0.19 £¥um (Example 4.4). With the aid of Eq. (5.39},
we can compute at what wire fength the delay of the interconnect becomes equal to the
intrinsic delay caused purely by device parasitics. Solving the following quadratic equa-
tion vields a single {meaningful) solution:

- 1B ~52

—12

F+05%x 10770 = 3220 % 10
or, L = 653 pm

6.6 x 10

Observe that the extra delay is due solely to the linear factor in the equation—more specif-
ically, to the extra capacitance introduced by the wire. The quadratic factor {the distributed
wire delay) becomes dominant only at much larger wire lengths (> 7 cm). This can be
attributed io the high resistance of the (minimum-size) driver transistors. A different bal-
ance emerges when wider transistors are used. Analyze, for instance, the same problem
with the driver transistors 100 times wider.

5.5 Power, Energy, and Energy Delay

So far, we have seen that the static CMQS inverter with its almost ideal VTC—symmetrical
shape, fell logic swing, and high noise margins—offers a superior robustness, which simplifies
the design process considerably and opens the door for design automation. Another major
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214 Chapter 5 « The CMOS inverter

attractor for static CMOS is the almost complete absence of power consumpticn in steady-state
operation mode, It is this combination of robustness and low static power that has made static
CMOS the technology of choice of most contemporary digital designs. The power dissipation of
a CMOS circuit is instead dominated by the dypamic dissipation resulting from charging and
discharging capacitances.

55.1 Dynamic Power Consumpiion

Dynamic Dissipation due to Charging and Discharging Capacitances

Each time the capacitor C; gets charged through the PMOS transistor, its voltage rises from G to
Vpp, and a certain amount of energy is drawn from the power supply. Part of this energy is dissi-
pated in the PMOS device, while the remainder is stored on the load capacitor. During the high-
to-tow transition, this capacitor is discharged, and the stored energy is dissipated in the NMOS
transistor.”

A precise measure for this energy consumption can be derived. Let us first consider the
low-to-high transition. We assume, initially, that the input waveform has zero rise and fall
times—in other words, the NMOS and PMOS devices are never on simultancously. Therefore,
the equivalent circuit of Figure 5-25 is valid. The values of the energy Eypp, taken from the sup-
ply during the transition, as well as the energy E, stored on the capacitor at the end of the tran-
sition, can be derived by integrating the instantaneous power over the period of interest:

r L ?i)!)
vy,
Eypp = [ivpo(Vopdt = Voo [Codt = C,Vpp [ dvey = OV (540
G Q G

Your

7

Figure 5-25 Equivaleni circuit during the low-16-high Fransition.

*Cibserve that this model is a simplification of the actua! circuit. In reality, the Ioad capacitance consists of multiple
companents, soire of which are Jocated between the output nede and GND, others between outpat nde and V. The
latter experience 2 charge—discharge cyele that is out of phase with the capacitances to GND (i.e., they get charged when
V.., goes tow and discharged when ¥,,,, rises.} While this distributes the energy delivery by the supply over the two
phases, it does not affect the overall dissipation, and the resulis preseated in this section are still valid,
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Yout

vhp

k ;

Charge Discharge

Figure 5-26 OCutput voltages and supply current during {dis)charge of G,.

and
. v
EC = j*‘wa(f}"’amdf = jcl.%;fvamdf = CL J Varud‘"mz; = LEDD (541}
Q & L

The corresponding waveforms of v, (f) and f,p(f) are pictured in Figure 5-26.

These results can also be derived by observing that during the low-to-high transition, €, is
loaded with a charge C, V5. Providing this charge requires an energy from the supply equal to
C,Vpp' (= O X Vpp). The energy stored on the capacitor equals C;Vpp”/2. This means that only
half of the energy supplied by the power source is stored on ;. The other half has been dissi-
pated by the PMOS transistor. Notice that this energy dissipation is independent of the size {and
hence the resistance) of the PMOS device! During the discharge phase, the charge is removed
from the capacitor, and its energy is dissipated in the NMOS device. Once again, there is no
dependence on the size of the device. In summary, each switching cycle (consisting of an L—H
and an H—L transition) takes a fixed amount of energy, equal to C; V5%, In order to compute the
power consumption, we have to take into account how often the device is switched. If the gate is
switched on and off f;,_,; times per second, the power consumption is given by

Py = CiVonfos (5.42)

where f,_, represents the frequency of energy-consuming iransitions {these are 4 — 1 transi-
tions for static CMOS).

Advances in technology result in ever-higher values of f,_,, (as z, decreases). At the same
time, the total capacitance on the chip (C;) increases as more and more gates are placed on a single
die. Consider, for instance, a 0.25-pum CMOS chip with a clock rate of 500 MHz and an average
toad capacitance of 15 fF/gate, assuming a fan-out of 4. The power consumption per gate fora2.5-
¥V supply then equals approximately 50 uW, For a design with | million gates, and assuming that
a transition oceurs at every clock edge, this would result in a power consumption of 50 W1 This
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218 Chapter 5 = The CMOS Inverter

evaluation, fortunately, presents a pessimistic perspective. In reality, not all gates in the complete
IC switch at the full rate of 500 Mhz. The actual activity in the circuit is substantially lower.

Example 5.11 Capacitive Power Dissipation of Inverter

The capacitive dissipation of the CMOS inverter of Example 5.4 is now easily computed.
In Table 5-2, the value of the load capacitance was determined to equai 6 fF. For a supply
voltage of 2.5 V, the amount of energy needed to charge and discharge that capacitance
equals

Egp = C Vpp = 3751

Assume that the inverter is switched at the (hypothetically) maximum possible rate
(T = Uf =ty + tyg = 2t,). For a i, of 32.5 ps (Example 5.5}, we find that the dynainic
power dissipation of the circuit i3

Pyys = Equn/(28,) = 580 pW

Of course, an inverter in an actual circuit is rarely switched at this maximum rate,
and even if it would be, the output does not swing from rail to rail. The power dissipation
will thus be substantially lower. For a vate of 4 GHz {7 = 250 ps), the dissipation reduces
to 150 uW. This is confirmed by simulations, which yield a power consumption of
155 uW.

Computing the dissipaiion of a complex circuit is complicated by the f;_,, factor, also
called the swifching activity. While the switching activity is easily computed for an inverter,
it turns out to be far more complex in the case of more complex gates and circuits. One con-
cern is that the switching activity of a network is a function of the nature and the statistics of
the input signals: If the imput signals remain unchanged, no switching happens, and the
dyramic power consumption is zero! On the other hand, rapidly changing signals provoke
plenty of switching and therefore dissipation. Other factors influencing the activity are the
overall network topology and the function to be implemented. We can accommodate this by
writing

2 2 2 .
Piw=CoiVpplon = Co¥ppPosif = CopeVpolf (5.43)

where f now presents the maximum possible event rate of the inputs (which is often the clock
rate} and P,_, | the probability that a clock event results in a 0 — 1 {er power-consuming) event
at the output of the gate. Cppp = Py_,;C; is called the effective capacitance and represents the
average capacitance switched every clock cycle. For our example, an activity factor of 10%
{Py_,1 = 0.1} reduces the average consumption to 5 W.
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Example 5.12 Switching Activity

Consider the waveforms in Figure 5.27, where the upper waveform represents the ideal-
ized clock signal, and the bottom one shows the signal at the output of the gate. Power
consuming transitions occur 2 out of 8 times, which is equivalent to a transition probabil-
ity of 0.25 {or 25%).

e LI ANRELTD

Ouiput signal J

Figure 5-27 Clock and signai waveforms.

With the increasing complexity of digital integrated circuits, it is anticipated that the power problem will
only worsea in future technologies. This is one of the reasons that lower supply volrages are becoming
more and more attractive. Reducing ¥y, has a quadratic effect on Py, For instance, reducing Vy, from
2.5 ¥ to 1.25 'V for our example drops the pawer dissipation from 5 W to 1.25 W. This assumes that the
same clock rate can be sustained. Figure 5-17 demonstrates that this assumption is not that unrealistic as
long as the supply voltage is substantially higher thar the threshold voltage. A large performance penalty
eccurs once YV, approaches 2 V.,

When a lower limit on the supply voltage is set by external constrainis fas often happens in real-
world designs), or when the performance degradation due to lowering the supply voltage is intolerable, the
only means of reducing the dissipation is by lowering the effective capacitance. This can be achieved by
addressing both of its components: the physical capacitance and the switching activity.

A reduction in the switching aetivity can oaly be accomplished at the logic and srchitectaral abstrac-
tion: levels, and will be discussed in more detail in Chapter 11, Lowering the physical capacitance is a worth-
while goaf overall, and it also may help to improve the performance of the circuit, As most of the capacitance
in a combinational logic circuit is due to transistor capacitances {gate and diffusion), it makes sense to keep
those contributions to & minimum when designing for low power. This means that transistors shonkd be kept
to minimal size whenever possible or reasonable, This definitely affects the performance of the circuit, but the
effset can be offset by using logic or architectural speedup techniques. The only instances where transistors
should be sized up is when the load capacitanee is domdnated by extrinsic capacitances (such as fan-out or
wiring capacitance). This is contrary to common desiga practices used in cel librartes, where transistors are
generally made large to accormmodate a range of loading and performance requirements.

These observations lead to an interesting design challenge. Assume we have to minimize the energy
dissipation of a circuit with a specified lower bound on the performance. An atiractive approach is to lower
the supply voltage as much as possible, and to compensate the loss in performance by increasing the transistor
sizes. Yet, the latter causes the capacitance to increase. It may be foreseen that at a low enough supply veltage,
the latter Factor may start to dominate and cause energy to increase with a further drop in the supply voliage.

|
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Example 5.13 Transister Sizing for Energy Minimization

To analyze the transistor sizing for a minimum energy problem, we examine the simple
case of a static CMOS inverter driving an external load capacitance C,,,, as in Figure 5.28.
To take the input loading effects into account, we assume that the inverter itself is driven
by & minimum-sized device, The goal is to minimize the energy dissipation of the com-
plete circuit, while maintaining a lower bound on performance. The degrees of freedom
are the size factor £ of the inverter and the supply voltage V,;; of the circuit. The propaga-
tion delay of the optimized circuit should not be larger than that of a reference circuit, cho-

sen to have as parameters f=tand V=V 0.

In Out
g Cgl £ f _Ii: Ce;t

Figure 5-28 CMOS inverter driving an external load capacitance G,
while being driven by a minimum sized gate.

Using the approach introduced in Section 5.4.3 (Sizing & Chain of Inverters), we can
derive the following expression for the propagation delay of the cireuit:

1A FD
I A B A Y G 3.44
= (U R G498
here F = {C,/C,,} is the overall effective fan-out of the circuit, and 1,4 is the intrinsic
delay of the inverter. Its dependence upon Vjp is approximated by the following expres-
sion, derived from Eq. {5.21):

VDB
to— 28 (5.45)
»e Vo=V

The energy dissipation for a single transition at the input is easily found once the total
capacitance of the cirenit is known:

E= "v’i‘.CgE({l +¥H1+ 71+ F) (5.46)

The performance constraint now states thae the propagation delay of the scaled circuit
should be equal {or smaller} te the delay of the reference circuit (f= 1, V= V3. To sim-
plify the subsequent analysis, we make the assumption that the intrinsic output capaci-
tance of the gate equals its gate capacitance, or v= 1, Hence,

2+f+£

ng(z +f+ £
L - 1 (547)

e f) - {VDD}(me - V’FE\‘[
rp."e}‘” fp@ref(:a + F) ‘\Vref k

Voo—Vogl 3+F
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Figure 5-29 Sizing of an inverter for enargy minimization. (a} Reguired supply
voltage as a function of the sizing factor f for different values of the overall effective
fan-cut F; (b) Energy of scaled cirouit (normalized with respect o the refsrence case)
asafunctionof £ V=258V, Vo =05V.

Equation {3.47} establishes a relationship between the sizing fector f and the supply volt-
age, plotted in Figure 5-29a for different values of . Those curves show a clear minimum.
Increasing the size of the inverter from the minimum initially increases the performance,
and hence allows for a lowering of the supply voltage. This is fruitful until the optimum
sizing factor of § = /F is reached, which should not surprise those who read the previ-
ous sections carefully. Further increases in the device sizes only increase the self-loading
factor, deteriorate the performance, and require an increase in supply voltage. Also,
observe that for the case of F = 1, the reference case is the best solution; any resizing just
increases the self-loading.

With the Vpo(f) relationship in hand, we can derive the energy of the scaled circult
{normalized with respect to the reference circuit) as a function of the sizing factor £

Vepo¥/2 + 21 + Fy
wa ( } k (5.48)

44 F ,|

:ef

Finding an analvtical expression for the optimal sizing factor is possible, bui yields a com-
plex and messy eguation. A graphical approach is just as effective. The resclting charts are

plotted in Figure 5-20b, from which a number of conclusicns can be drawn:®

» Device sizing, combined with supply voltage reduction, is a very effective
approach in reducing the energy consumption of a logic retwork. This is espe-
cially true for networks with large effective fan-outs, where energy reductions with
almost a factor of 10 can be obtained. The gain is also sizable for smaller values
of K. 'The only exception is the F = 1 case, where the minimum size device is also
the most effective one.

SWe will revisit some of these conclusiens in Chapter 11 in a broader context.
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» Oversizing the transistors beyond the optimal value comes at a hefty price in energy.
This is, unfortunately, a common approach in many of today’s designs.

« The optimal sizing factor for energy is smaller than the one for performance, espe-
cially for large values of £. For example, for a fan-out of 20, f,, (enezgy} = 3.53,
while f, (performance} = 4.47. Increasing the device sizes only leads to a minimal
supply reduction once Vpp, starts approaching Vi, thus leading to very minimal
energy gains.

Dissipation Due to Direct-Path Currents

In actual designs, the assumaption of the zero rise and fall times of the input wave forms is not
correct. The finite slope of the input signal causes a direct current path between Vj, and GND
for a short period of time during switching, while the NMOS and the PMOS transistors are con-
ducting simultaneously. This is illustrated in Figure 5-30. Under the (reasonable) assumption
that the resulting current spikes can be approximated as triangles and that the inverter is sym-
metrical in its rising and falling responses, we can compute the energy consumed per switching
period as follows:

i ¢ I I
E,gp = v{_},{} peak L VDDM =1, VDDIJMB.% (5.49)
2 2

We compute the average power consumption as

2
Pa’p = I VDDIpeak f: Csc VD}.}f (55{3}

The direct-path power dissipation is proportional to the switching activity, similar to the capaci-
tive power dissipation. ¢, represents the time both devices are conducting. For a linear input
slope, this time is reasonably well approximated by Eq. (5.51) where ¢, represents the 0-100%
transition time,

_ Vﬂu‘zvrI _ yDD_szxé‘(_f)

t. = .
st Vop  © Vor 0.8 (5.51)
Vo ”
j / DB Vi
14
Viu }:c Va{ﬁ t
S
I CL isi.'fm K
1 -

Figure 5-30 Short-circuit currents during transients.,
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L, 18 determined by the saturation current of the devices and is hence directly propor-
tional to the sizes of the wansistors. The peak current is alsc a strong fonction of the ratio
between input and oufput slopes. This relationship is best iHustrated by the following simple
analysis: Consider a static CMOS inverter with 2 § — | transition at the input. Assume first that
the load capacitance is very large, so that the output fall time is significantly larger than the input
rise time {Figure 5-31a}. Under those circumstances, the input moves through the fransient
region before the cutput starts to change. As the source-drain voltage of the PMOS device is
approximately 0 during that period, the device shuts off without ever delivering any curreat. The
short-circutit current is closs to zero in this case. Consider now the reverse case, where the cutput
capacitance is very small, and the output fall time is substantially smaller than the input rise time
(Figure 3-31b). The drain-source voltage of the PMOS device equals V), for most of the transi-
tion pertod, guarantesing the maximal short-circuit current {equal to the sawration carrent of the
PMOS). This clearly represents the worst case condition. The conclusions of the preceding anal-
ysis are confirmed in Figure 5-32, which plots the short-circuit carrent through the NMOS tran-
sistor during a low-to-high transition as a function of the ioad capacitance.

Vop Voo
é gsc =0 i Isc = }MAX

T~ _L

ﬁ ’ O—I ysm ﬁin me

Lz I
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n

{a} Large capacitive load {b} Small eapacitive isad
Figure 5-31 Impact of load capacitance on short-circuit current.

x 1074

I (A)

e (s) X 30

Figure 5-32 CMOS inverter short-circuit current through NMOS fransistor as a function
of the lcad capacitance {for a fixed input slope of 500 psh.
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This analysis leads to the coaclusion that the short-circuit dissipation is minimized by
making the output rise/fall time larger than the input ris/fall time. On the other hand, making the
output riseffall time too large slows down the circuit and can cause short-circuit currents in the
fan-cut gates. This prasents a perfect example of how local optimization and forgetting the glo-
bal picture can lead to an inferior solution.

A more practical role, which optimizes the power consumption in a global way, can be formulated
(FvesndrickB4]):

The power dissipation dee to short-circuit curreats is minimized by matching the rise/fall times of
the input and output signals. At the overall circuit level, this means that rise/fall times of all signals
should be kept constant within a range.

Making the input and output rise times of a gate identical is not the optimum: solution for that partic-
ular gate on its own, but keeps the overall short-citcuit current within bounds. This is shown in Pigure 5-33,
which plots the short-cireuit energy dissipation of an inverter (normalized with respect to the zero-input rise
time dissipation) as 2 function of the ratic » between input and output rise/fall times. When the load capaci-
tance is too small for a given inverter size (r > 2...3 for Vg, = 5 V), the power is dominated by the short-
citeuit current. For very large capacitance values, all power dissipation is devoted to charging and discharg-
ing the load capacitance. When the rise/fali times of inputs and outputs are equalized, most power dissipa-
tion is associated with the dynamic power, and only a minor fraction (< 10%) is devoted to short-clreuit
carrents,

Observe also that the impact of short-circuit current is reduced when we lower the supply
voltage, as is apparent from Eq. {5.51). In the extreme case, when Vi, < Vi, + |V |, short-circuit dissipa-
tion is completely efiminated, because bath devices are never on simultaneously. With threshold voltages
scaling at a slower rate than the supply voltage, short-circuit power dissipation is becoming less important

&
i i i
7L WiLlp = 1.125 /025 um
Wily = 0375 um/3.25 pm
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Figure 5-33 Power dissipation of a static CMOS inverter as a function of the ratio between input
and output riseffall imes. The power Is normalized with respect to zero input rise-time dissipation.
At low values of the slope ratio, input/output coupling leads to some extra dissipation.
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in deep submicron technologies. At a supply voltage of 2,5 V and thresholds around 0.5 V, an input/output
slope ratio of 2 is needed to cause a 10% degradation in dissipation. B

Finally, it is worth observing that the short-circuit power dissipation can be modeled by
adding a load capacitance C,, = #,, 1,/ Vpp In parallel with C;, as is apparent in Eq. (5.50). The
value of this short-circuit capacitance is a function of V., the transistor sizes, and the input/out-

put slope ratio.

55.2 Static Consumption

The static {or steady-state) power dissipation of a circuit is expressed by the relation
P = 1ya:Vop (3.52)

where [, is the current that flows between the supply rails in the absence of switching activity.

Ideally, the static carrent of the CMOS inverter is equal to zero, as the PMOS and NMOS
devices are never on simultaneously in steady-state operation. There is, unfortunately, a leakage
current flowing through the reverse-biased diode junctions of the transistors, located between the
source or drain and the substrate, as shown in Figure 5-34. This contribution is, in general, very
small and can be ignored. For the device sizes under consideration, the leakage current per unit
drain area typically ranges between 10100 pA/um? at room temperature. For a die with 1 miilion
gates, each with a drain area of 0.5 jum® and operated at a supply voliage of 2.5 V, the worst case
power constmption due to diode leakage equals 0.125 mW, which clearly is not much of an issue.

Howeaver, be aware that the junction leakage currents are caused by thermally generated
carriers. Their value increases with increasing junction temperature, and this occurs in an expo-
nential fashion. At 85°C (a commonly imposed upper bound for junction temperatures in com-
mercial hardware), the leakage currents increase by a factor of 60 over their room-temperature
values. Keeping the overall operation temperature of a circuit low is consequently a desirable
goal. As the temperature is a strong function of the dissipated heat and its removal mechanisms,
this can only be accomplished by limiting the power dissipation of the circuit or by using chip
packages that support efficient heat removal,
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Figure 5-34 Socurces of leakage currents in CMOS inverter (for V,, =0 V).
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Ve=02 V=06 Vs

Figure 5-35 Decreasing the threshoid increases the subthrashold current at Yge= 0.

An emerging source of leakage current is the subthreshold current of the transistors. As
discussed in Chapter 3, an MOS iransistor can experience a drain-scurce ciurent, even when Vg
is smaller than the threshold voltage (see Figure 5-35). The closer the threshold voltage is to
zero volts, the larger the leakage cwrrent at Vo = 0V and the larger the static power consump-
tion. To offset this effect, the threshold voltage of the device has generally becn kept high
enough. Standard processes feature V, values that are never smaller than 0.5-0.6 V and that in
some cases are even substantially higher (~ 0.75 V).

This approach is being challenged by the reduction in supply voltageas that typically goes
with deep submicron technology scaling, as became apparent in Figure 3-41. We concluded ear-
Her {Figure 3-17) that scaling the sopply voltages while keeping the threshold voltage constant
results in an important loss in performance, especially when Vpp approaches 2 V.. One
approach to address this performance issue is to scale the device thresholds down as well. This
moves the curve of Figure 5-17 to the left, which means that the performance penalty for lower-
ing the supply voltage is reduced. Unfortunately, the thresheld voltages are lower bounded by
the amount of allowable subthreshold leakage current, as demonstrated in Figure 5-35. The
choice of the thresheld voitage thus represents a trade-off between performance and static power
dissipation. The continued scaling of the supply voltage predicted for the next generations of
CMOS technologies, however, forces the threshold voltages ever downwards, and makes sub-
threshold conduction a major source of power dissipation. Process technologies that contain
devices with sharper turn-off characteristics will therefore become more attractive. An example
of the latter is the SOI (Silicon-on-Insulater) technology whose MOS transistors have slope fac-
tors that are close io the ideal 60 mV/decade.

Example £.14 Impact of Threshold Reduction on Performance
and Static Power Dissipation

Consider a minimum size NMOS fransistor in the 0.23-um CMOS technology. In Chap-
ter 3, we derived that the slope factor S for this device equals 90 mV/decade, The off-
current (at Vg = 0) of the transistor for a Vi of approximately 0.5 V equals 107 A
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{Figure 3-22). Reducing the threshold by 200 mV to 0.3 V multiplies the off-current of
the transistors with a factor of 170! Assuming a million gate design with a supply volt-
age of 1.5 V, this translates into a static power dissipation of 108 x 170 % 107 x 1.5 =
2.6 mW. A further reduction of the thresheld to 100 mV results in an unacceptable dis-
sipation of aimost 0.5 W At that supply voltage, the threshold reductions correspond fo
a performance improvement of 25% and 4{09%, respectively.

This lower bound on the thresholds is in some sense artificial. The idea that the leakage
current in a static CMOS circuit has to be zero is a misconception. Ceriainly, the presence of
Jeakage currents degrades the noise margins, because the logic levels are no longer equal 1o the
supply rails, but as long as the noise margins are within range, this is not a compelling issue. The
leakage currents, of course, cause an increase in static power dissipation. This is offset by the
drop in supply voltage, which is enabled by the reduced threshelds at no cost in performance,
and results in a quadratic reduction in dynamic power. For a G.25-um CMOS process, the fol-
lowing circuit configurations obtain the same performance: 3-V supply—0.7-V Vy; and 0.45-V
supply=0.1-V V. The dynamic power consumption of the latter is, however, 45 times smaller
{Liu®3]! Choosing the correct values of supply and threshold voltages once again requires a
trade-off. The optimal operation point depends upon the activity of the circuit, In the presence of
g sizable static power dissipation, it is essential that nonactive madules are powered down, lest
static power dissipation would become dominant. Power-down (also called standby) can be
accomplished by disconnecting the unit from the supply rails, or by lowering the supply voltage.

553 Pautting it Al Together

The total power consumption of the CMOS inverter is now expressed ag the sum of its three
COMPOnEnts:

Pl‘f:lf = P({_}’).‘ + Pa’p + P:;,-G-; = {CLV.'E}D + VDDf;mﬂA'ts}f{}—a | + Vf).i'}[?e&k {553}

In typical CMOS circuits, the capacitive dissipation is by far the dominant factor. The direct-
path consumption can be kept within bounds by careful design, and thus should not be an issue.
Leakage is ignorable at present, but this might change m the not-too-distant future.

The Power-Delay Product, or Energy per Operation

In Chapter 1, we introduced the power-delay product {(PDP) as a quality measure for a logic
gate:
PDP = P.1, {3.54)

The PDP presents a measure of energy, as is apparent from the units (W x s = Joule). Assuming
that the gate is switched at its maximum possible rate of ,,,, = 1/{2¢,), and ignoring the contribu-
ttons of the static- and direct-path currents to the power consumption, we find that

2
c.V
PDP = C Vi nd, = =28 (5.55)

HGX i 2
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Here, PDP stands for the average energy consumed per switching event (e, foral— l,ora
1 ~» O transition). Remember that earlier we had defined E |, as the average energy per switching
cycle {or per energy-consuming event). As each inverter cycle contains a0 —» 1, andal — 0
transition £, thus is twice the PDP.

Energy-Delay Produci

The validity of the PDP as a quality metric for a process technology or gate topology is ques-
tionable. It measures the energy needed to switch the gate, which is an important property. For a
given structure, however, this number can be made arbitrarily low by reducing the supply volt-
age. From this perspective, the optimum voltage to run the circuit would be the Iowest possible
value that still ensures functionality. This comes at the expense of performance, as discussed ear-
lier. A more relevant metric should combine a measure of performance and energy. The energy-
delay product {or EDP) does exactly that:

Z
CLVB}}!

EDP:PDP:{IP:P 5 »

2
t, = (5.56)

a4

It is worth analyzing the voltage dependence of the EDP. Higher supply voltages reduce
delay, but harm the energy, and the opposite is true for low voltages. An optimum operation point
should therefore exist. Assuming that NMOS and PMOS transistors have comparable threshoid
and saturation voltages, we can simplify the propagation delay expression Eq. (5.21} as

fp = m (5.5’?}
where Vi, = Vo + Vpgur/2, and o is a technology parameter. Combining Eg. (5.36) and Eg.
(5.57) yields

2.,3
ol Vys

EDP = ———————
2(Vpp=Vre)

(5.58)

The optimum supply voltage can be obtained by taking the derivative of Eq. {5.58) with respect
1o Vpp, and equating the result to 0. The result is

Y opop: = §VT£ (5.59)

The remarkable outcome from this analysis is the low value of the supply voltage that
simultaneously optimizes performance and energy. For submicron technologies with thresholds
in the range of 0.3 V, the optimom supply is situated around 1V,

"This equation is only accurate as long as the devices remain in velocity saturation, which is probably not the case for
the lower supply voltages. This introduces seme inaccuracy in the analysis, but will not distort the overall result,
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Example 5,15 Optimum Supply Voltage for 11.25-um CMOS Inverter
From the technology parmmeters for our generic CMOS process presented in Chapter 3,
the value of ¥yy; can be derived as follows:
Vg, =043V, Vp 0 =063V, Vi, =074V
Vi, =04V, Vi =—1V, Vg, =-09V
Vig = (Vg + Vi 12 =08V
Hence, Vpp,,, = (3/2) X 0.8 ¥V = 1.2 V. The simulated graphs of Figure 5-36, which plot
normalized delay, energy, and energy-delay product, confirm this result. The optimum

supply voltage is predicted to equal 1.1 V. The charts clearly illusirate the trade-off
between delay and energy.

i3 T
’g Energy Delay
z 0
3
&
)
g 5
S
;
t
:
g ! 1 I
4.5 1 i35 2 23
YooV}

Figure 5-36 Normalized delay, energy, and energy-delay plols for CMGS
inverier in 0.25-um CMOS technology.

WARNING: While the preceding example demonstrates that a supply voltage exists that mini-
mizes the energy-delay product of a gate, this voltage does not necessarily represent the opti-
mum voltage for a given design problem. For instance, some designs require a minimum
performance, which requires a higher voltage at the expense of energy. Similarly, a lower energy
design is possible by operating at a lower voltage and by obtaining the overall system perfor-
mance through the use of architectural techniques such as pipelining or concnrency.

5.5.4 Analyzing Power Consumption by Using SPICE

A definition of the average power consumption of a circuit was provided in Chapter 1, and is
repeated here for the sake of convenience. We write

T r

_ 1 _Vopr.
P = yjp(r)éf = j:DD{:)dr £5.60)

9 3
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Figure 5-37 Equivalent circuit to measure average power in SPICE.

with T the period of mterest, and Vj,, and {5, the supply voltage and current, respectively. Some
implementations of SPICE provide built-in functions to measure the average value of a circuit
signal. For instance, the HSPICE MEASURE TRAN KVDD) AVG command compultes the
area under a computed transient response ({(VDD?}) and divides it by the period of interest. This
is identical to the definition given in Eq. {3.60). Other implementations of SPICE are, unforiu-
nately, not as powerful. This is not as bad as it seems, as long as one realizes that SPICE is actu-
ally a differential equation solver. A small circuit can easily be conceived that acis as an
integrator and whose output signal is nothing but the average power.

Consider, for instance, the circuit of Figure 5-37. The current delivered by the power sup-
ply is measured by the current-controlled current source and integrated on the capacitor C. The
resistance & is only provided for DC-convergence reasons and should be chosen as high as pos-
sible to minimize leakage. A clever choice of the element parameter ensures that the output voit-
age £, equals the average power consumption. The operation of the circuit 1s summarized in Eq.
under the assumption that the initial voltage on the capacitor € is zero:

arf

CE ax = kiﬁD
or (5.61)
T
P(w = éjiﬁﬂdz
¢

Equating Eq. (5.60) and Eq. vields the necessary conditions for the equivalent circuit
parameters: &/C = Vpp/T. Under these circumstances, the equivalent circuit shown presents a
convenieni means of tracking the average power in a digital circuit.

Example 516 Average Power of Inverter

The average power consumption of the inverter of Example 5.4 is analyzed using the
above technique for a toggle period of 250 ps (T =250 ps, k= 1, ¥pp = 2.5 ¥, hence
C = 100 pF). The resulting power consumption is plotted in Figure 5-38, showing an aver-
age power consumption of approximately 157.3 UW. The MEAS AVG command vields a
value of 160.3 UW, which demonstrates the approximate equivalence of both methods.
These numbers are equivalent to an energy of 38 ] (which is close to the 37.5 {f derived in
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Figure 5-38 Deriving the power consumption by using SPICE.

power (W}

Example 5.11). Observe the slightly negative dip during the high-to-low transition. This is
due te the injection of current into the supply, when the output briefly overshoets Va5 2
result of the capacitive coupling between input and cutput (as is apparent from in the tran-
sient response of Figure 5-16).

5.6 Perspective: Technology Scaling and its impact
on the Inverter Metrics

In Section 3.5, we have explored the impact of the scaling of technology on some of the impor-
tant design parameters, such as area, delay, and power. For the sake of clarity, we repeat bere
some of the most important entries of the scaling table (Table 3-8).

The validity of these theoretical projections can be verified by looking back and observing
the trends during the past few decades. From Figure 5-39, we can see that the gate delay indeed
decreases exponentially at a rate of 13% per year, or halving every {ive years. This rate is on
eourse with the prediction of Table 5-4, since S averages approximately 1.15 as we had already

Table 5-4 Scaling scenarios for shori-channel devices {S and U represent
the technology and voliage scaling parameters, respectively).

Full General Fixed-Voltage
Parameter Reiation Scaling Scaling Scaling
Area-Device Wel 1i52 1/8? 1i8*
Intrinsic Delay RCome LS 118 178
Ingrinsic Energy  C, g,m,Vz /5% 1S4 /s
Intrinsic Power Erergy-Delay 1787 et 11
Power Density P-Area 1 SYER 5
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Figure 5-39 Scaling of the gate delay (from [Daliy98]).

cbserved in Figure 3-40. The delay of a two-input NAND gate with a fan-out of four has gone
from tens of nanoseconds in the 1960s to a tenth of a nanesecond in the year 2000, and is pro-
jected to be a few tens of picoseconds by 2Gi{.

Reducing power dissipation has only been a second-order priority until recently. Hence,
statistics on dissipation per gate or design are only marginally available. An interesting chart is
shown in Figure 5-40, which plots the power density measured over a large number of designs
produced between 1980 and 1995. Although the variation is large—even for a fixed
technelogy-—it shows the power densily increasing approximately with S2 This is in corre-
spondence with the fixed-voltage scaling scenario presented in Table 5-4. For more recent
years, we expect a scenarie moye in line with the full-scaling model—which predicts a con-
stant power density—due to the accelerated supply-voltage scaling and the increased attention
to power-reducing design techniques. Even under these circumstances, power dissipation per
chip will continue to increase due to the ever-larger die sizes.

The scaling model presented has one major flaw, however, The performance and power pre-
dictions produce purely “intrinsic” numbers that take only device parameters into account. In
Chapter 4, we concluded that the interconnect wires exhibit a different scaling behavior, and that
wire parasitics may come to dominate the overall performance. Similarly, charging and discharg-
ing the wire capacitances may dominate the energy budget. To get a crisper perspective, one has
to consiruct a combined model that considers device and wire scaling models simultaneously. The
impact of the wire capacitance and its scaling behavior is summarized in Table 5-5. We adopt the
fixed-resistance model introduced in Chapter 4. We furthermore assume that the resistance of the
driver dominates the wire resistance, which is definitely the case for short to medium-long wires.

The model predicts that the interconnect-caused delay {and energy) gain in importance with
the scaling of technslogy. This impact is limited to an increase with gc for short wires (8= 5, J, but
itbecomesincreasinglymoresignificantformedium-range andlongwires(S; <§}. Theseconclusions
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Figure 5-40 Evolution of power densily in micro- and DSP processors, as
a function of the scaling factor S {({Kuroda8s]h. Sis normalized to 1 fora 4um
pProcess.

Table 5-5 Scaling scenarlos for wire capacitance. § and U represent the technology and

voltage scaling parameters, respeciively, while &, stands for the wire-length scaling factor. g,

represents the impact of fringing and interwire capacitances.

231

Parameter Relation General Scaling
Wire Capacitance WiLa VAT
Wire Delay R.Ci WA
Wire Energy G, V* €45, LF
Wire Delay [ Intrinsic Delay €55,
Wire Energy £ rinsic Energy £.55;

have been confirmed by a number of studies, an exampie of which 1s shown in Figure 5-41. How
the ratio of wire over intrinsic contributions will actually evolve is debatable, as it depends upon
awiderangeof independent parameters, suchag system architecture, designmethodology, transistor
sizing, and interconnect materials. The doomsday scenario thatinterconnect may cause CMOS per-
formance tosaturateinthe very near future may very wellbeexageerated. Yet, itisclearthatincreased
attentiontointerconnectisanabsolutenecessity,and maychangethewaythenext-generationcircuits

are designed and optimized (e.g., [Sylvester981}.
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Figure 5-41 Evolution of wire delay-fo-gate delay ratio with respsct
tc technology {irom [Fisher38].

5.7 Summary

This chapter presented a rigorons and in-depth analysis of the static CMOS inverter. The key
characteristics of the gate are summarized as follows:

= The static CMOS inverter combines a pull-up PMOS section with a pull-down NMOS
device. The PMOS is normally made wider than the NMOS due 1o its lower current-
driving capabilities.

+ The gate has an almost ideal volage-transfer characteristic. The logic swing is equal to the
supply voltage and is not a function of the transistor sizes. The noise margins of a symmet-
rical inverter (where PMOS and NMOS transistor have equal current-driving strength)
approach Vpp/2. The steady-state response is not affected by fan-out.

« Its propagation delay is dominated by the time it takes to charge or discharge the load
capacitor £, . To a first erder, it can be approximated as follows:

Rema + Re(m
t,r; = {)6965("—"—*'2—"—'—)

Keeping the load capacitance small is the most effective means of implementing high-per-
formance circuits. Transistor sizing may help to improve performance as long as the delay
is dominated by the extrinsic (or load) capacitance of fan-out and wiring.

* The power dissipation is dominated by the dynamic power consumed in charging and dis-
charging the load capacitor. It is given by P,_,, C;V;p°f The dissipation is proportional to
the activity in the network. The dissipation due to the divect-path currenis occurring during
switching can be limited by careful tailoring of the signal slopes. The static dissipation
usually can be ignored, but might become a major factor in the future as 2 resolt of sub-
tareshold corrents.
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5.8 To Probe Further 233

» Scaling the technology is an effective means of reducing the area, propagation delay and
power consamption of a gate. The impact is even more striking if the supply voltage is
scaled simuitanecusly.

» The interconnect component is gradually taking a larger fraction of the delay and perfor-
mance budget.

5.8 To Probe Further

The operation of the CMOS inverter has been the topic of numerous publications and textbooks,
Virtually every book on digital design devotes a substantial number of pages to the analysis of
the basic inverter gate. An extensive list of references was presented in Chapter 1. Some refer-
ences of particular interest that we quoted in this chapter follow.
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Exercises and Design Problems

REMINDER: Please refer to htipi/bwre.eers.berkeley.eduficBook for ap-to-date problem sets, design problems, and
exercises. By making the exercises electronically avatlable instead of ia print, we can provide s dynamic envirenment
that tracks the rapid svolution of today’s digital integrated circuit design technology.
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6.1 Introduction

The design considerations for a simple inverter circuit were presented in the previous chapter.
We now extend this discussion to address the synthesis of arbitrary digital gates, such as NOR,
NAND, and XOR. The focus is on combinaticnal logic or nonregenerative circuits—that is, cir-
cuits having the property that at any point in time, the output of the circuit is related to its current
input signals by some Boolean expression {assuming that the transients through the logic gates
have settled). No intentionat connection from outputs back to nputs is present.

This is in contrast to another class of circuits, known as seguential or regenerative, for
which the cutput is not only a function of the current input data, but also of previous values of
the input signals (see Figure 6-1). This can be accomplished by connecting one or more cutputs
intentionally back to some inputs. Consequently, the circuit “remembers” past events and has a
sense of history. A sequential circuit includes a combinational logic portion and a module that
holds the state. Example circuits are registers, counters, oscillators, and memory. Sequential cir-
cuits are the topic of the next chapter.

There are numerous circuit styles to implement a given logic function. As with the
inverter, the commeon design metrics by which a gate is evaluated are area, speed, emergy, and
power. Depending on the application, the emphasis will be on different metrics. For example, the
switching speed of digital circuits is the primary metric in a high-performance processor, while
in a battery operated circuit, it is energy dissipation. Recently, power dissipation also has
become an important concern and considerable emphasis is placed on understanding the sources
of power and approaches to dealing with power. In addition to these metrics, robustness to noise
and reliability are also very important considerations. We will see that certain logic siyles can
significantly improve performance, but they usually are more sensitive {0 noise.

6.2 Static CMOS Design

The most widely used logic style is static complementary CMOS. The static CMOS style is
really an extension of the static CMOS inverter to multiple inputs. To review, the primary advan-
tage of the CMOS structure is robustness (i.¢.. low sensitivity to noise), good performance, and
low power consumption with no static power dissipation. Most of those properties are carried
over to large fan-in logic gates implemented using a similar circuit topology.

State

{a} Combinational (b) Sequential
Figure 6-1 High-level classification of legic circuits.
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6.2 Static CIAOS Design 237

The complementary CMOS circuit style falls under a broad ciass of logic circuits called
static circuits in which at every point in time, each gate entput is connected to either Vi, or
Vs via a low-resistance path. Also, the ouipuis of the gates assume at all times the value of the
Boolean function implemented by the circuit {ignoring, the transient effects doring switching
periods). This is in contrast to the dynasic circuit class, which relies on temporary storage of
signal valnes on the capacitance of high-impedance circuit nodes. The latter approach has the
advantage that the resulting gate is simpler and faster, Its design and operation are, however,
more involved and prone to failure because of increased sensitivity to neise.

In this secticn, we sequentially address the design of various static circuit flavors, includ-
ing complementary CMOS, ratioed logic (pseudo-NMOS and DCVSL), and pass-iransistor
fogic. We also deal with issues of scaling to lower power supply voltages and threshold
voltages,

6.21 Complementary CMOS

Concept

A static CMOS gate is a combination of two networks—the pull-up nerwork (PUN} and the pull-
down network (PDN), as shown in Figute 6-2. The figure shows a generic N-input logic gate
where all inputs are distributed to both the pull-up and pull-down networks. The function of the
PUN is to provide a connection between the output and ¥, anytime the output of the logic gate
is meant to be 1 (kased on the inputs). Similarly, the function of the PDN is to connect the cutput
o Vs when the output of the logic gate is meant to be (0. The PUN and PDN networks are con-
structed in o mutually exclusive fashion such that ore and only one of the networks is conduct-
ing in steady state. In this way, once the transients have settled, a path always exists between Vip
and the output F for a high output {"one”), or between Vg and F for a low output {“zera™}. This
is equivalent to stating that the output node is always a fow-impedance node in steady state,

Vop

L

Puff-up: make a conneciion from ¥pp to Fwhen
Flng, Ing .. dn) =1

b F {1y, Ity o F11,)

Putl-down: make a connection from Vg to Vg when
Filny Ing, ..in,) =0

1

Vss

Figura 6-2 Complementary logic gale as a combination of a PUN
{puli-up network) and a PDN {pull-down network),

126



238 Chapter 6 « Designing Combinational Logic Gates in CMOS

In constructing the PDN and PUN networks, the designer should keep the following
observations in mind:

* A transistor can be thought of as a switch controlled by its gate signal. An NMOS switch
is on when the controlling signal is high and is off when the controlling signal is low, A
PMOS transistor acts as an inverse switch that is on when the controlling signal is low and
off when the controlling signal is high.

» The PDN is constructed using NMOS devices. while PMOS transistors are used in the
PUN. The primary reason for this choice is that NMGS transistors produce “strong zeros,”
and PMOS devices generate “strong ones.” To illustrate this, censider the examples shown
in Figure 6-3. In Figure 6-3a, the output capacitance is initially charged to V5. Two possi-
ble discharge scenarios are shown. An NMOS device pulls the output all the way down to
(GND, while a PMOS lowers the output no further than !ifg,,]—the PMOS wrns off at that
point and stops contributing discharge current. NMOS transistors are thus the preferred
devices in the PDN. Similarly, two alternative approaches to charging up a capacitor are
shown in Figure 6-3b, with the output initially at GND. A PMOS switch succeeds in
charging the outpat all the way to V5, while the NMOS device fails to raise the output
above V,;, — V. This explains why PMOS transistors are preferentially used in a PUN.

» A set of rules can be derived to construct logic functions {see Figure 6-4). NMOS devices
connected in series cortespond to an AND function. With all the inputs high, the series
combination conducts and the value at one end of the chain is transferred to the other end.
Similarly, NMOS transistors connected in parallel represent an OR function. A conducting
path exists between the output and input terminal if at least one of the inputs is high. Using
similar arguments, construction rules for PMOS networks can be formulated. A series con-
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{2} Pulling down a aode by using NMOS and PMOS switches
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{b) Pulling down a node by using NMOS and PMOS switches

Figure 6-3 Simple examples Hliustrate why an NMOS should be
used as a pull-down, and a PMOS should be used as a pull-up device.
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B A
Series combination _L i A _] Parallel combination
conducts if A - B conducts [FA + B
(a} Series {b) Paraliel

Figure 6-4 NMOS logic rules—serias deavices implement an AND, and parallel
devices implement an OR.

neetion of PMOS conduets if both inputs are low, representing a NOR function (A - B =
A + B), while PMOS transistors in parallel implementa NAND A + B=A - B).

* Using De Morgan’s theorems (A + 5=A-BandA - B=A + B), it can be shown that the
pull-up and pull-down networks of a complementary CMOS structure are dual networks.
This means that a parallel connection of transistors in the pull-up network correspondsto a
series connection of the corresponding devices in the pull-down network, and vice versa,
Therefore, to construct a CMOS gate, one of the networks (e.g., PDN) is implemented
using combinations of series and parallel devices. The other network {i.e., PUN) is
cbtained using the duality principle by walking the hierarchy, replacing series subnets
with paraliel subnets, and parallel subnets with series subnets. The complete CMOS gate
18 constructed by combining the PDN with the PUN,

» The compiementary gate is paturally inverting, implementing only functions such as
NAND, NOR, and XNOR. The realization of a noninverting Boolean function (such as
AND OR, or XOR) in a single stage is not possible, and requires the addition of an exira
inverter stage.

* The number of transistors required to implement an A-input logic gate is 2N.

Example 6.1 Two-Input NAND Gate

Figure 6-5 shows a two-input NAND gate (7 = A - B). The PDN network consists of iwo
NMOS devices in series that conduct when both & and B are high. The PUI is the dual

Figure 8-5 Two-input NAND gate in complementary static CMOS styls.
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natwork, and it consists of two parallel PMOS transistors. This means that Fis TifA =0
or B = 0, which is equivalent to F = A - B. The truth table for the simple two input NAND
gate is given in Table 6-1. It can be verified that the output F is always connected to either
Vpp 01 GND, but never to both at the same time.

Table 6-1 Truth Table for two-Input NAND.

A B8 F
g g 1
0 i i
1 i ]
H i 0

Example 6.2 Synthesis of Complex CMOS Gate

Using complementary CMOS logic, consider the synthesis of a complex CMOS gate
whose fanctionis F =D + A - (B + C). The first step in the synthesis of the logic gate is to
derive the pull-down network as shown in Figure 6-6a by using the fact that NMOS
devices in series implements the AND function and parailel device implements the OR
function. The next step is to use duality to derive the PUN in a hierarchical fashion, The
PDN network is broken into smaller networks (i.e., subset of the PDN) called subnets that
simplify the derivation of the PUN. In Figure 6-6b, the subnets (SN) for the pull-down net-

VDD VDD

=
5

F
{a) Pull-down network (b} Deriving the pull-up network A "I
hierarchicaily by identifying D _|
subnets
8| c
{c} Complete gate

Figure 6-6  Complex complernentary CMOS gate.
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work are identified. At the top level, SNt and SN2 are in parallel, so that in the dual net-
work they will be in series. Since SN1 consists of a single transistor, it maps directly to the
pull-up network. On the other hand, we need to sequentially apply the duality tules to
SN2, Inside SN2, we have SN3 and SN4 in series, so in the PUN they will appear in paral-
lel. Finally, inside SN3, the devices are in parallel, so they appear in series in the PUN.
The compiete gate is shown in Figure 6-6¢. The reader can verify that for every possible
input combination, there always exists a path to either Vpp or GNIL

Static Properties of Complementary CMOS Gates

Complementary CMOS gates inherit all the nice properties of the basic CMOS inverter. They
exhibit rail-to-rail swing with Vg, = Vpp and V,,, = GND. The circuits also have no static power
dissipation, since the circuits are designed such that the pull-down and pull-up networks are
mutually exclusive. The analysis of the DC voltage transfer characteristics and the noise margins
is more complicated than for the inverter, as these parameters depend upon the data input pat-
terns applied fo gate,

Consider the static two-input NAND gate shown in Figure 6-7. Three possible input com-
binations switch the ouiput of the gate from hightolow: (8} A=8=0—> 1, (b)A=1,B=0-1,
snd (¢} B=1, A =0 — 1. The resuliing voltage transfer curves display significant differences.
The large variation between case {a) and the others (b and ¢} is explained by the fact that in the
former case, both {ransistors in the pull-up network are on simultancously for A = B = 0, repre-
senting a strong pull-up. In the latter cases, only one of the pull-up devices is on. The VTC is
shifted to the left as a result of the weaker PUN,

The difference between (b) and {c) results mainly from the state of the infernal node int
between the two NMOS devices. For the NMOS devices to turn on, both gate-to-source voltages

VDD 3.6 d H T T

3.0

b’:“.‘i" V

Figure 8-7 The VTC of a twe-input NAND is data dependent. NMOS devices
are 0.5 pm/0.25 um while the PMOS devices ara sized at 0.75 pr0.25 pm.
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must be above Vi, with Vg =V, — Vg, and Vg = V. The threshold voltage of transistor
will be higher than transistor M, due to the body effect. The threshold veltages of the two
devices are given by the following equations: -

VTHQ + -f((ﬁ‘?fl + V:‘n;} - /\/12@{1.} (6-E}
VTr{l = VTM{) (6'2}

VTn 2

For case {b), M, is turned off, and the gate voltage of M, is set to Vp,,. To a first order, M,
may be considered as a resistor in series with 3. Since the drive on M, is large, this resistance is
small and has only a small effect on the voltage transfer characteristics. In case {c), transistor M,
acts as a resistor, causing a Vy increase in 3, due to body effect. The overall impact is quite
small, as seen from the plot.

The important point to take away from the preceding discussion is that the noise margias are input/
pattern dependent. In Example 6.2, a glitch on only one of the two inputs has a larger chance of creating a
false transition at the output than if the glitch were to occur on both inputs simultarecusly. Therefore, the
former condition has a lower low-noise margin. A comumon practice when characlerizing gates such as
NAND and NOR is to connect all the inputs together. Unfortunately, this does not represent the worst case
static behavior; the data dependencies should be carefully modeled. 5

Propagation Delay of Complementary CMOS Gates

The computation of propagation delay proceeds in a fashion similar to the static inverter, For the
purpose of delay analysis, each transistor is modeled as a resistor in series with an ideal switch.
The value of the resistance is dependent on the power supply voltage and an equivalent large sig-
nal resistance, scaled by the ratio of device width over length, must be used. The logic is trans-
formed into an eguivalent RC network that includes the effect of internal node capacitances.
Figure 6-8 shows the two-input NAND gate and its equivalent RC switch level model. Note that
the internal node capacitance C, —attributable to the source/drain regions and the gate overlap
capacitance of M, and M,—is included here. While complicating the analysis, the capacitance of
the internal nodes can have quite an impact in some networks such as large fan-in gates. In a first
pass, we ignore the effect of the internal capacitance.

A simple analysis of the model shows that, similarly to the noise margins, the propaga-
tion delay depends on the input patterns. Consider, for instance, the low-to-high transition.
Three possible input scenarios can be identified for charging the output to Vp,. If both inputs are
driven low, the two PMOS devices are on. The delay in this case is C.69 X (R,/2} X (7, since the
two resistors are in parallel. This is not the worst case low-to-high transition, which oceurs when
only one device turns on, and is given by 0.69 X R, x C7. For the pull-down path, the output is
discharged only if both A and B are switched high, and the delay is given by 0.69 X (2Ry) X €y to
a first arder. In other words, adding devices in series slows down the circuit, and devices must be
made wider to avoid a performance penalty. When sizing the transistors in a gate with multiple
inputs, we should pick the combination of inputs that triggers the worst case conditions,
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{a) Two-input NAND (b} RC-equivalent model
Figure 5-8 Equivaient AC model for a two-input NAND gate.

For the NAND gate to have the same pull-down delay (z,,) as a minimum-sized inverter,
the NMOS devices in the PDN stack must be made twice as wide so that the equivalent resis-
tance of the NAND pull-down network is the same as the inverter, The PMOS devices can
remain unchanged.!

This first-order analysis assumes that the extra capacitance introduced by widening the
transistors can be ignored. This is not a good assumption, in general, but it allows for a reason-
able first cut at device sizing.

Example 6.3 Delay Dependence on Input Patterns

Consider the NAND gate of Figure 6-8a. Assume NMOS and PMOS devices of 0.5 pm/
0.25 pm and 0.75 um/0.25 pm, respectively. This sizing should result in approximately
equal worst case rise and fall times (since the effective resistance of the pull-down is
designed to be equal to the pull-up resistance}.

Figure 6-9 shows the simulated low-io-high delay for different inpui patterns. As
expected, the case in which both inputs transition go low (A =B =1 —> () resulis in a
smailer delay, compared with the case in which only one input is driven low, Notice that
the worst case low-to-high delay depends upon which input (A or B) goes low. The reason
for this involves the internal node capacitance of the pull-down stack (i.e., the source
of M.}, For the case in which B = 1 and A transitions from 1 — 0, the pull-up PMOS
device only has to charge up the output node capacitance (34, is turned off). On the other
hand, for the case in which A = 1 and B transitions from 1 — {, the pull-up PMOS device

Vin deep-submicron processes, even larger increases in the width are needed due to the on-set of velocity saturation. For
a two-input NAND, the NMOS transistors should be made 2.5 times as wide instead of 7 times,
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Figure 6-9 Example showing the delay dependence on input patterns.

has to charge up the sum of the ocutput and the internal node capacitances, which slows
down the transition.

The table in Figure 6-9 shows a compilation of various delays for this circuit. The
first-order transistor sizing indeed provides approximately equal rise and fall delays. An
important point to note is that the high-to-low propagation delay depends on the initial
state of the internal nodes. For example, when both inputs transition from 0 — 1, it is
important to establish the state of the internal node. The worst case happens when the
internal node is initially charged op to Vpp — Vo, which can be ensured by pulsing the A
input from | — 0 — 1, while input B only makes the & — 1 transition. In this way, the
internal node is initialized properly.

The important point to take away from this example i3 that estimation of delay can
be fairly complex, and requires a carefis! consideration of internal node capacitances and
data patterns. Care must be taken to model the worst case scenario in the simulations. A
brute force approach that applies all possible input patterns may not always woik, because
it is important to consider the state of internal nodes.

The CMOS implementation of a NOR gate (F = A + B) is shown in Figure 6-10. The out-

put of this network is high, if and only if both inputs A and B are low. The worst case pull-down
transition happens when only one of the NMGS devices turns on {i.s., if either A or 5 is high).
Assume that the goal is to size the NOR gate such that it has approximately the same delay as an
inverter with the following device sizes: NMOS of 0.5 pm/0.25 um and PMOS of 1.5 pm/
0.25 um. Since the pull-down path in the worst case is a single device, the NMOS devices (¥,
and M, can have the same device widths as the NMOS device in the inverter, For the output to
be pulled high, both devices must be turned on. Since the resistances add, the devices must be
made two times larger compared with the PMOS in the inverter (i.e., M5 and M, must have a size
of 3 um/0.25 wm). Since PMOS devices have a lower mobility relative to NMOS devices, stack-
ing devices it series must be avoided as much as possible. A NAND implementation is clearly
preferred over s NOR implemeniation for implementing generic logic.
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Figure 6-10 Sizing of a NOR gate.

Problem 6.1 Transistor Sizing in Complementary CMOS Gates

Determine the sizes of the transistors in Figure 6-6c such that it has approximately the samme sy, and 1, as
an inverter with the following sizes: NMOS: 4.5 um/0.25 ym and a PMOS: 1.5 pm/0.25 um.

So far in the analysis of propagation delay, we have ignored the effect of internal node
capacitances. This is often a reasonable assumption for a first-order analysis. However, in more
complex logic gates with large fan-ins, the internal node capacitances can become significant.
Consider a four-input NAND gate, as drawn in Figure 6-11, which shows the equivaleat RC
model of the gate, including the internal node capacitances. The internal capacitances consist of
the junction capacitances of the transistors, as well as the gate-to-source and gate-to-drain
capacitances. The latter are turned into capacitances to ground using the Milier equivalence. The
delay analysis for such a circuit involves solving distributed RC networks, a problem we afready
encountered when analyzing the delay of intercennect networks, Consider the pull-down delay
of the circuit. The output is discharged when all inputs are driven high. The proper initial condi-
tions must be placed on the internal nodes (i.e., the internal nodes must be charged to Vi — Vi)
betore the inputs are driven high.

The propagation delay can be computed by using the Elmore delay model:

?;JHL - G.ﬁg(Ri * Cl +(R] + Rz} . Cz‘é‘ {R] +R2"§" R3} - CQ‘*‘{R; +R2'§‘R3 +.R4_:3 M CL) {6.3)

Notice that the resistance of M, appears in all the terms, which makes this device espe-
cially important when attempting 1o minimize delay. Assuming that all NMOS devices have an
equal size, Eq. (6.3) simplifies to
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L

Figure 6-11 Four-input NAND gate and its AC model.

Example 6.4 A Four-Input Complementary CMOS NAND Gate

in this example, we evaluate the intrinsic {or unloaded} propagation delay of a four-input
NAND gate (without any loading) is evaluatedusing hand analysis and simulation. The
layout of the gate is shown in Figure 6-12. Assume that ail NMOS devices have a W/L of
0.5 uro/(L25 um, and all PMOS devices have a device size of 0.375 um/0.25 um. The
devices are sized such that the worst case rise and fall times are approximately equal to a
first order {ignoring the internal node capacitances).

By using technigues similar to those empleyed for the CMOS inverter in Chapter 5,
the capacitance values can be computed from the jayout. Notice that in the puli-up path,
the PMOS devices share the drain terminal, in order to reduce the overall parasitic contri-
bution. Using our standard design rules, we find that the area and perimeter for various
devices can be easily computed, as shown in Table §-2.

In this example, we focus on the pull-down delay, and the capacitances will be
computed for the high-to-low transition at the output, While the output makes 2 transi-
tion fram Vpp to 0, the internal nodes only transition from Vpp, — Vi, to GND. We need
to linearize the internal junction capacitances for this voltage transition, but, to sim-
plify the analysis, we use the same K g for the internal nodes as for the output node.
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Figure 6-12 Layout a four-input NAND gate in complementary CMOS. See also
Colomplate 7.

Table 6-2  Area and perimeter of iransistors in four-input NAND gate.

Transistor W {pm) AS (zm?) AD (um?) PS (um) PD (gm}
1 4.5 03125 0.0625 1.75 0.25
2 4.5 6.0625 0.0625 0.25 0.25
3 4.5 {.0625 0.0625 0.25 0.25
4 8.5 0.0625 0.32125 0.25 1.75
5 8375 4297 0172 1.875 0.875
6 8.375 3172 (0.172 0.875 0.873
7 8375 0.172 0.172 0.875 0.875
8 $.375 (.297 0,172 1.875 0.873

It is assumed that the output connects to a single, miniraum-size inverter. The effect
of intracell routing, which is small, is ignored. The various contributions are summarized
in Table 6-3. For the NMOS and PMOS junctions, we use K, =0.57, K, ,, = 0.61, and
K., =0.79, K, = 0.86, respectively. Notice that the gate-to-drain capacitance is mul-

B4
tiptied by a factor of two for all internal nodes as well as the cutput node, to account
for the Miller effect. (This ignores the fact that the internal podes have a slightly

smaller swing due to the threshold drop.}
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Table 6-3 Computation of capacitances for high-to-low transition at the cutput. The table shows
the intrinsic detay of the gate without extra Joading. Any fan-ouf capacitance would simply be
added 1o the C; term.

Capacitor Contributions (M — L) Value fFY (H — L)

i

Cu+ Cat 2% Cogy +27 Cp (0.57 * 0.0625 * 2 + 0.61 % 0.25 * 0.28) +
(0,57 * 0.0625 * 2+ 0.6] * 0.25% D.28) +
2% (0.31 *0.5)+2 % (0.31 * 0.5)=0.85 fF

c2 Cir+ C 427 Cup+2% C o (0.57 % 0.0625 % 2+ 0.61 * 0.25 * 0.28) +
(0.57 * 0.0625 * 2+ 0.61 * 0.25* 0.28) +
2% (031 * 0.5+ 2 *{0.31 * 0.5) =085 R
c3 Cps+ Co+ 2% Cop+2% Coy (0.57 % 0.0625 * 2+ 0.61 * 0.25 * 0.28) +
(0.57 * 0.0625 = 2+ 0.61 * 0.25% 0.28) +
2% (031 *0.5)+2* (031 % 0.5)=085fF
CL Cos+2% Cpgg+ Cas+ Cg+ Cp (057 ¥03125% 2+ 0.61 * 1.75 ¥0.28) +
+Cgg 4 2% Cogs 42 % Coe 2% (0,31 % (.50 4 * (0.79 * 0.171875* 1.9+ 0.86
$27 Cogr # 27 Cpgy * 0875 % 0220+ 4 % 2 (0.27 * 0.375) = 3.47 [F

=Cd4+4*cn:5-i-4”=2*fgdﬁ

Using Eq. (6.4}, we compute the propagation delay, as follows:

Toit, = (}.69(1-3--21253)(0.85 fF+2-0835{F+3-085fF+4 -347fF) = 85 ps

The simulated delay for this particular transition was found to be 86 ps! The hand
analysis gives a fairly accurate estimate, given all of the assumptions and lineariza-
tions that were made. For example, we assume that the gate-source (or gate—drain)
capacitance only consists of the overlap component. This is not entirely the case,
because, during the transition, some other contributions come in place depending upon
the operating region. Once again, the goal of hand analysis is not to provide a totally
accurate delay prediction, but rather to give intuition into what factors influence the
delay and to aid in initial transistor sizing. Accurate timing analysis and transistor opti-
mization is usually done using SPICE. The simulated worst case low-to-high delay
time for this gate was 106 ps.

While complementary CMOS is a very robust and simple approach for implementing

logic gates, there are two major problems associated with using this style as the complexity of
the gate {i.e., fan-in) increases. First, the number of transistors required to implement an N fan-in
gate is 2N, This can result in & significanily large implementation area.
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Figure 6-13 Propagation delay of CMOS NAND gate as a function of fan-in,
A fan-out of ona inverter is assumed, and all puli-down transistors are minimal size.

The second problem is that propagation delay of 2 complementary CMOS gate deteriorates rap-
idly as a function of the fan-in. In fact, the unfeaded intrinsic delay of the gate is, at worst, a
guadratic function of the fan-in.

» The large number of transistors (2N) increases the overall capacitance of the gate. For an
N-input gate, the intrinsic capacitance increases linearly with the fan-in. Consider, for
instance, the NAND gate of Figure 6-11. Given the linear increase in the number of PMOS
devices connected to the output node, we expect the low-to-high delay of the gate to
increase linearly with fan-in—while the capacitance goes up linearly, the puil-up resis-
tance remains unchanged.

» The series connection of transistors in either the PUN or PDN of the gate causes an addi-
tional slowdown. We know that the distributed RC netwerk in the PDN of Figure 6-11
comes with 4 delay that is quadratic in the number of elemesnts in the chain. The high-to-
low delay of the gate should hence be a quadratic function of the fan-in.

Figure 6-13 plots the (intrinsic) propagation delay of a NAND gate as a function of fan-in
assuming 2 fixed fan-out of one inverter (NMOS: 0.5 |im and PMOS: 1.5 pm). As predicted, £,
is & linear function of fan-in, while the simultaneous increase in the pull-down resistance and the
load capacitance cause an approximately quadratic relationship for ¢,.,. Gates with a fan-in
greater than or equal to 4 become excessively slow and must be avoided.

The designer has a number of techniques at his disposition to reduce the delay of large fan-in circuits:

» Transistor Sizing The most obvious solution is fo increase the ransistor sizes. This lowers the resis-
tance of devices in series and lowers the time constants, However, increasing the transistor sizes results
in larger parasitic capacitors, which not only affect the propagarion delay of the gate in question, but
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Figure 6-14 Progressive sizing of transistors in large transister chains
copes with the exira load of internal capacitances.

also present a larger load to the preceding gate. This technique should therefore be used with caution.
If the load capacirance is dominated by the intrinsic capacitance of the gate, widening the device only
creates a “seif-loading” effect, and the propagation delay is unaffected. Sizing is only effective when
the toad is dominated by the fan-out, A more comprehensive approach toward sizing transistors in
complex CMOS combinational neiworks is discussed in the next secticn.

» Progressive Transistor Sizing  An alternate approach to uniform sizing (in which each transis-
tor is scaled up uniformly), is to use progressive transistor sizing (Figure 6-14). Referring back to
Eq. (6.3}, we see that the resistance of M, {R,} appears & times in the delay equation, the resistance
of M, (R,) appears N — 1 times, ete. From the equaton, it is clear that &, should be made the small-
est, R, the next smallest, ste. Consequently, a progressive scaling of the transistors is beneficial: &,
> M, > M; > M, This approach reduces the dominant resistance, while keeping the increase in
capacitance within bounds. For an excellent ireatrnent on the optimal sizing of transistors in a com-
plex network, we refer the interested reader to [Shoji88, pp. 131-143]. You should be aware, how-
ever, of one important pitfail of this approach. While progressive resizing of transistors is relatively
easy in a schematic diagram, it is not as simple in a real layout. Very often, design-rule consider-
ations force the designer to push the transistors apart, which causes the internal capacitance to grow.
This may offset all the gains of the resizing!

« Input Reordering Some signals in complex combinational logic blocks might be more critical
than others. Not all inputs of a gate arrive at the same time (due, for instance, to the propagation
delays of the preceding logical gates). An input signal to a gate is called ¢ritice! i€ it is the last signal
of all inputs to assume a stable value. The path through the logic which determines the ultimate
speed of the structure is called the eritical path.

Puwiting the critical-path transistors closer to the output of the gate can resulf in a speed up. as
demonstrated In Figure 6-15. Signal /i) is assumed 1o be a critical signal. Suppose further that In;
and In, are high, and that /2, undergoes a 0 - 1 transition. Assume alse that £, is initially
charged high. In case (a}, no path to GND exists untl M, is turned on, which, unfortunately, is
the last event to happen. The delay between the arrival of /r) and the output is therefore deter-
mined by the time it takes to discharge C;, € and Cs. In the second case, Cy and C, are already
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Figure 6-15 Influsnce of transistor ordering on delay.
Signal In, is the critical signal.
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Figure 8-16 Logic restructuring can reduce the gate fan-in.

discharged when fr; changes. Only C, still has to be discharged, resulting in a smaller delay.

*» Legic Restructuring Manipulating the logic equations can reduce the fan-in requirements and
thus reduce the gate delay, as illustrated in Figure 6-16. The quadratic dependency of the gate delay
on for-in makes the six-input NOR gate extrernely slow. Partitioning the NOR gate into two three-
input gates results in a significant speedup, which by far offsets the extra delay incurred by turning
the inverter into a tweo-input NAND gate. B

Optimizing Performance in Combinational Networks

Eaglier, we established that minimization of the propagation delay of z gate in isolation is a
purely academic effort. The sizing of devices should happen in its proper context. In Chapter 5,
we developed a methodology to do so for inverters. We also found that an optirnal fan-out for a
chain of inverters driving a load C; is (C,/C;,)'™, where & is the number of stages in the chain,
and C,, the input capacitance of the first gate in the chain. I we have an opportunity to select the
number of stages, we found out that we would like to keep the fan-out per stage around 4. Can
this result be extended 1o determine the size of any combinational path for minimal delay? By
extending our previous approach to address complex logic networks, we find out that this is
indeed possible {Sutherland99].2

*The approach introduced in this section is commenly called logical effort, and was formally introduced in
{Suthertand99], which presents an extensive treatiment of the topic. The wreatment offered here represents only 2 glance
over of the overall approach.
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Table 6-4 Estimates of intrinsic delay factors of varicus
logic types, assuming simple layout styles, and a fixed

PMOS-NMOS ratio.
Gate type p
Inverier I

n-input NAND i

n-input NOR n
n-way multiptexer 2r
XOR, NXOR n2™l

To do so, we modify the basic delay equation of the inverter that we introduced in Chapter 5,
namely,

T,
1, = rpo(i %‘Yé: = t,6(1+ f/7) (6.5
to
fp = zpﬁip'}'gf/’y} (6-6}

with 4 still representing the intrinsic delay of an inverter and f the effecrive fan-out, defined
as the ratio between the external load and the input capacitance of the gate. In this context, £
is also called the electrical e¢ffort, and p represents the ratio of the intrinsic (or unloaded)
delays of the complex gate and the simple inverter, and is 2 function of gate topology, as
well as layout style. The more involved structure of the multiple-input gate causes its intrin-
sic delay to be higher than that of an inverter. Table 6-4 enumerates the values of p for some
standard gates, assuming simple layout styles, and ignoring second-order effects such as
internal node capacitances.

The factor g is called the logicai effort, and represents the fact that, for a given load,
complex gates have to work harder than an inverter to produce a similar response. In other
words, the logical effort of 2 Jogic gate tells how much worse it is at producing output current
than an inverter, given that each of its inputs may present only the same input capacitance as
the inverier. Equivalently, logical effort is how much more input capacitance a gate presents to
deliver the same output current as an inverter. Logical effort is a useful parameter, because it
depends only or circuit topology. The logicat efforts of some common logic gates are given in
Table 6-3.
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Table 6-5 Logic efforis of common logic gates, assuming a PMOS-NMOS ratio of 2.

253

Number of Inputs

Gate Type 1 2 3 n
Inverter H
NAND 4/3 53 (n+2%3
NOR 573 743 Zn+ 1043
Multiplexer 2 2 2
XOR 4 1z

Example 6.3 Logical Effort of Complex Gates

Consider the gates shown in Figure 6-17, Assuming PMOS-NMOS ratio of 2, the input
capacitance of a minimum-sized symmetrical inverter equals three times the gate capaci-
tance of a minimum-sized NMOS {called ;). We size the two-input NAND and NOR
such that their equivalent resistances equal the resistance of the inverter (using the tech-
niques described earlier). This increases the input capacitance of the two-input NAND to
4 C,» Or 4/3 the capacitance of the inverter. The input capacitance of the two-input
NOR is 5/3 that of the inverter. Equivalently, for the same input capacitance, the NAND
and NOR gate have 4/3 and 5/3 less driving strength than the inverter. This affects the
delay component that corresponds to the load, increasing it by this same factor, called

the logical efforr. Hence, gxyqp = 43, and gyor = 373

Inverter Two-igpat NAND ’E‘wo-inp_tzz NOR
Figure 6-17 Logical sffort of two-input NAND and NOR gates.
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Figure 6-18 Delay as a function of fan-out for an inverter and a two-input NAND.

The delay model of a logic gate, as represented in Eq. (6.6}, is a simple linear relationship.
Figure 6-18 shows this relationship graplically: the delay is plotted as a function of the fan-out
for an inverter and for a two-input NAND gate. The slepe of the line is the logical effort of the
gate; its intercept is the intrinsic defay. The graph shows that we can adjust the delay by adjust-
ing the effective fan-out (by transistor sizing) or by choosing a logic gate with a different Jogical
effort. Observe also that fan-out and fogical effort contribute to the delay in a similar way. We
cali the product of the two & = /g, the gate effort.

The total delay of a path through a combinational logic block can now be expressed as

N N fg
t, = er = rpaz(p}am{}—i) (6.7

j=1 i=t
We use a similar procedure as we did for the inverter chain in Chapter 5 to determine the mini-
mum delay of the path. By finding ¥ — 1 partial derivatives and setting them (o zero, we find that
each stage should bear the same gate effort:

Fi8 = F282= ... = fuBy 6.8)

The Togical effort along a path in the network compounds by multiplying the logical efforts of all
the gates along the path, yielding the path logical effor: G.

A
¢ = e 69
i

We also can define a path effective fan-out (ot electrical effort) F, which relates the load capaci-

tance of the last gate in the path to the input capacitance of the first gate:
Ci_
F=_= (6.103
Coi
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To relate F to the effective fan-outs of the individual gates, we must introduce another factor to
account for the logical fan-out within the network. When fan-out occurs at the output of a node,
saome of the available drive current is directed along the path we are analyzing, and some is
directed off the path. We define the branching effort b of a logical gate on a given path to be

b= Cg;;_palh + Cﬁff—path {6.11)

Con—;@ih

where Cy, ooy, I8 the load capacitance of the gate along the path we are analyzing and Cygpog, I8
the capacitance of the connections that lead off the path, Note that the branching effort is, if the
path does not branch (as in a chain of gates). The path branching efforf is defined as the product
of the branching efforts at each of the stages along the path, or

N
B = Hf;,. {6.12)
1

The path electrical effort can now be related fo the electrical and branching efforts of the individ-
ual siages:

B

ﬁ?
i 117
F o= Hb_, = {6.13)
1
Finally, the total path effort H can be defined. Using Eq. (6.13), we write

N N
H = H;z,. = Hg,.f,. = GFB (6.14)
1 1

From here on, the analysis proceeds along the same lines as the inverter chain. The gate effort
that minimizes the path delay is

E=NEH (6.15)

and the minimum delay through the path is

ol N
D= ’ps[z p,+ M) fﬁ} 6.16)

=1

Note that the path intrinsic delay is a function of the types of logic gates in the path and is not
affected by the sizing. The size factors of the individual gates in the chain 5; can then be derjved
by working from front to end (or vice versa). We assume that a unit-size gate has a driving capa-
bility equal t0 3 minimum-size inverter. Based on the definition of the logical effort, this means
that its input capacitance is g times larger than that of the reference inverter, which equals C.
With 5, the sizing factor of the first gate in the chain, the input capacitance of the chain C,,
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equals g5,C,.. Including the branching effort, we know that the input capacitance of gate 2 is
{f\/b;} larger, or

Iy
gZSECrff = ('E;_])gi‘glcref (63?/}

For gate [ in the chain, this yields

; - (%f“)ﬁ(%? 619

Example 6.6 Sizing Combinational Logic for Minimom Delay

Consider the logic network of Figure 6-19, which may represent the critical path of a
more complex logic block. The output of the network is loaded with a capacitance which
is five times larger than the input capacitance of the first gate, which is a minimum-sized
inverter. The effective fan-out of the path thus equals F = C,/C,, = 5. Using the entries
in Table 6-5, we find the path logical effort as follows:
3.5 25
G=1x 3 X3 X 1= 5
Since there is no branching, B = 1. Hence, H = GFB = 125/9, and the optimal stage
effort /1 is 4/H = 1.93. Taking into account the gate types, we derive the following fan-
out factors: f; = 1.93; £, = 1.93x(3/5) = 1.16; /5 = 1.16; f; = 1.93, Notice that the invert-
ers are assigned larger than the more complex gates because they are better at driving
loads.
Finally, we derive the gate sizes (with respect to the minimum-sized versions} using
Eq. (6.18). This leads to the following values: a = fig,/g, = 1.16; b = fi £, g,/g= 1.34, and
&= fi£f381/84=2.60.
These calculations do not have to be very precise. As discussed in Chapter 3, sizing
a gate too large or too small by a factor of 1.5 still resuits in circuits within 5% of mini-
mum delay. Therefore, the “back of the envelope” hand caleulations using this technique
are quite effective.

o] p e
) T

Figure 6-19  Critical path of combinational networlc
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Problem 6.2 Sizing an Inverter Network

Revisit Problem 5.3, but {his time around use the branching-effort approach to produce the solution.

Power Consumptien in CMOS Logic Gates

The sources of power consumption in a complementary CMOS inverter were discussed in detail
in Chapter 5. Many of these issues apply dizectly to complex CMOS gates. The power dissipa-
tion is a strong fenction of transistor sizing {which affects physical capacitance,} input and out-
put rise--fall times (which determine the short-circoit power,) device thresholds and temperature
{which impact leakage power,) and switching activity. The dynamic power dissipation is given
by 0y, C, Vpp* f Making a gate more complex mostly affects the switching activity ¢_,,,
which has two components: a static component that is only a function of the topology of the
fogic network, and a dynamic one that results from the timing behavior of the circuit. (The latter
factor is also called glitching.)

Logic Function The transition activity is a strong function of the logic function being imple-
mented. For static CMOS gates with statistically independent inputs, the static transition proba-
bility is the probability p, that the output will be in the zero state in one cycle, maltiplied by the
probability p, that the cufput will be in the one state in the next ¢ycle:

Og; = Pg- Py = po-1—1¢) (6.19)

Assuming that the inputs are independent and uniformly disiributed, any N-input static gate has
a transition probability given by
_ Ny Ny Ny (2¥-Ny)

o = =
01 N N N
2% 2 2+

{6.20)

where N, is the number of zero entries, and &, is the number of ore entries in the cutput column
of the truth table of the function. To illustrate, consider a static two-input NOR gate whose truth
table is shown in Table 6-6. Assume that only one input transition is possible during a clock
cycle and that the inputs to the NOR gate have a uniform input distribution (in other words, the
four possible states for inputs A and B—006, 01, 10, 11—are equally likely).

Table 68-6 Truth table of a two-input NOR gate.

A B Out
0 G 1
0 i G
1 0 ¢
I i 0
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From Table 6-6 and Eq. (6.20), the output transition probability of a two-input static
CMOS NOR gate can be derived:

Ng-(2Y-N) 3.02°-3) _ 3
a1 = 28 - 522 T 16

6.2

Problem 6.3 N-Input XOR Gate

Assurning the inputs to an A-input XOR gate are uncorrelated and uniformly distributed, derive the expres-
sion for the switching activity factor.

Signal Statistics  The switching activity of a logic gate is a strong function of the input signal
statistics, Using a uniform input distribution to compute activity is not a good technique, since
the propagation through Ingic gates can significantly modify the signal statisties. For example,
consider once again a two-input static NOR gate, and let p, and p, be the probabilities that the
inputs A and B are one. Assume further that the inputs are not correlated. The probability that the
output node is 1 is given by

pr=0 -p) (L~py) (6.22)
Therefore, the probability of a transition from O te 1 is
O =pPop1 =0 — (1 =p 3 (1 —p 2y (1 = p) {1 = py) (6.23)

Figure 6-20 shows the transition probability as a function of p, and p,. Observe how this
eraph degrades into the simple inverter case when one of the input probabilities is set to 0. From

Figure 6-20 Transition activity of a two-input NOR gate as a function
of the input probabilities {pa, pg).
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this plot, it is clear that understanding the signal statistics and their impact on switching events
can be used to significantly impact the power dissipation.

Problem 6.4 Pgwer Dissipation of Basic Legic Gates

Derive the § — 1 output transition probabilities for the basic logic gates (AND, OR, XOR}. The results to
he obtained are given in Table 6-7.

Table 8-7 Quiput transition probabilities for static logic gates.

Dg s
AND (3 —papaiPals
OR Q-pd —pgll -0 -piI-pz}
XOR (1= (pa+Pp— 204080 Ps + Pa— 2P4Pp)

Intersignal Correlations The evaluation of the switching activity is further complicated by the
fact that signals exhibit correlation in space and time. Even if the primary inputs to a logic net-
wark are uncorrelated, the signals become correlated or “colored,” as they propagate through the
logic network. This is best iilustrated with a simple example. Consider first the circuit shown in
Figure 6-21a, and assume that the primary inputs A and B are uncorrelated and uniformly dis-
tributed. Node € has a 1 (0) probability of 1/2, and a 0 — 1 transition probability of 1/4. The
probability that the node Z undergoes a power consuming transition is then determined using the
AND-gate expression of Table 6-7:

Pooi = —pap) papp= (1= 12 1/2) 112 1/2=3/16 (6.24)

The computation of the probabilities is straightforward: signal and transition probabilities
are evaluated in an ordered fashion, progressing from: the input to the output node. This
approach, however, has two major limitations: (1) it does not deal with circuits with feedback as
found in sequential circuits, and (2) it assumes that the signal probabilities at the input of each
gate are independent. This is rarely the case in actual circuits, where reconvergent fan-out often
causes intersignal dependencies. For instance, the inputs to the AND gate in Figure 6-21b
(C and B) are interdependent because both are a function of A. The approach to computing

(a) Logic circuit without (b} Logic circuit with
reconvergent fan-out reconvergent fan-out

Figure 6-21  Example Hiustrating the effect of signal correlations.
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probabilities that we presented previously fails under these circumstances. Traversing from
inputs to outputs yields a transition probability of 3/16 for node Z, similar to the previous analy-
sis. This value clearly is false, as logic wansformations show that the network can be reduced to
Z=C-B=A-A=0, and thus no transition will ever take place.

To get the precise resuls in the progressive analysis approach, its is essential to take signal
interdependencies into account. This can be accomplished with the aid of conditional probabik-
ties. For an AND gate, Z equals 1 if and only if B and C are equal to 1. Thus,

pz=pZ=1)=pB=1,C=1) (6.25)

where p{B = 1, C = 1) represents the probability that B and C are equal to | simultaneocusly. If B
and C are independent, p(B = 1, C = 1) can be decomposed into p(8 = 1) - p(C = 1}, and this
yields the expression for the AND gate derived eatlier: p, =p(B=1)-p(C= ) =pz pc. If 2
dependency between the two exists {as is the case in Figure 6-21b), a conditional probability has
to be employed, such as the following:

pz=p(C=1B=1) pB=1) (6.26}

The first factor in Eq. {6.26) represents the probability that C = 1 given that B=1. The
extra condition is necessary because C is dependent upon 8. Inspection of the network shows
that this probability is equal to 0, since C and B are logical inversions of each other, resulting in
the signal probability for Z, p, = 0.

Deriving those expressions in a structured way for large networks with reconvergent fan-
out is complex, especially when the networks contain feedback loops. Computer support is
therefore essential. To be meaningful, the analysis program has to process a typical sequence of
input signals, because the power disgipation is a strong function of statistics of those signals.

Dynamic or Glitching Transitions When analyzing the transition probabilities of complex,
multistage logic networks in the preceding section, we ignored the fact that the gates have a non-
zero propagation delay. In reality, the finite propagation delay from one logic block to the next
can cause spurious transitions known as glitches or dynamic hazards to occur: a node can exhibit
multiple transitions in a single clock cycle before settling to the correct logic level.

A typical example of the effect of glitching is shown in Figure 6-22, which displays the
simulated response of a chain of NAND gates for all inputs going simultaneously from 0 to L
Initially, all the outputs are | since one of the inpuls was 0. For this particular transition, all the
odd bits must transition to 0, while the even bits remain at the value of 1. However, due to the
finite propagation delay, the even output bits at the higher bit positions start to discharge, and the
voltage drops. When the correct input ripples through the network, the output goes high. The
glitch on the even bits causes extra power dissipation beyond what is required to strictly imple-
ment the logic function. Although the glitches in this example are only partial {i.e., not from rail
to rail), they contribute significantly to the power dissipation. Long chains of gates often occur
in important structures such as adders and multipliers, and the glitching component can easily
dominate the overall power consumption.
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Figure 6-22 Glitching in a chain of NAND gates.
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Cuts

The dynamic power of a logic gate can be reduced by minimizing the physical capacitance and the switch-
ing activity. The physical capacitance can be minimized in a sumber ways, including circuit style selection,
transistor sizing, placement and routing, and architectural opiimizations. The switching activity, on the
other hand. can be minimized at ail levels of the design abstraction, and is the focus of this section. Logic
structures can be optimized to minimize both the fundamental transitions required to implement a given
function and the spurious ransitions.

1. Logic Restructuring Changing the topology of a logic network may reduce its power dissipa-
tion, Consider, for example, two alternative implementations of F= A - B+ C - D, as shown in
Figure 6-23. Ignore glitching and assume that all primary inputs {4, B,C.D} are uacorrelated and
uniformly distributed {this is, p; ;... = 0.5). Using the expressions from Table 6-7, the activity
can: be computed for the two topologies, as shown in Table 6-8. The results indicate that the chain
implementation has an overall lower switching activity than the tree implementation for random
inputs. However, as mentioned before, it is also important to consider the timing behavior to

Chaina structure

L TRy

o —

£ —
b —

A— &
B_

B;
i
Oy

Tree structure

Figure 6-23 Simple example to demonstrate the influence of circuit

topology on activity.
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Table 6-8 Probabilities for free and chain topologies.

0, 0, F
7 {chain} 14 1/8 HATE
pa= 1-p, {chain) 344 778 15/16
Do (chain} 3716 764 15/256
| P (ree) 14 174 i/16
P = Lopy (ree) 34 344 15/16
Doy (lree} 3716 36 15/256

accurately make power trade-offs. In this example, the iree topology experiences {virtually; no
glitching activity since the signal paths are balanced 1o all the gates.

2. Input ordering Consider the two static logic circuits of Figure 6-24, The probabilities that 4,
B, and C are equal to 1 are listed in the Figure. Since both circuits impiement identical logic
functionality, it is clear that the activity at the cutput node Z is egual in both cases. The differ-
ence is in the activity at the intermediase node. In the first circuit, this activity equals (1 - 0.3 x
0.23{0.5 x 0.2) = 0,09. In the second case, the probability that a ¢ — | transition cocurs equals
{1 —02x0.1)(0.2%x0.1) =0.0196, a substantially lower value. From this, we learn that it is
beneficiat to postpone the introduction of signals with a high transition rate {i.e.. signals with a
signal probability close to 8.5). A simple reordering of the input signals is often sufficient 10
accomplish that goal.

Pla=13=05

B—i Pa=n=92
=5=01

T

e A

Figure 6-24  Reordering of inputs affects the circuit activity.

A—
B—

g

3. Time-multiplexing resources Time-multiplexing a single hardware resource—such as a logic unit
or a bus—over a number of functions is a technique often used to minimize the implementation area.
{Unforiumately, the minimum area solution does not abways result in the lowest switching activity. For
example, consider the transmission of two input bits (4 and B} using either dedicated resources or a
time-multiplexed approach, as shown in Figure 6-25. To the first order, ignoring the muttiplexer
overhead, it would szem that the degree of time muitiplexing should not affect the switched capaci-
tance, since the time-multiplexed solution has half the physical capacitance switched at twice the fre-
auency (for a fixed throughput).

If the data being transmitted are random, it will make no difference which architecture is used.
However, if the data signals have soms distinct properties (such as temporal correlation), the power
dissipation of the time-multiplexed solution can be significantly higher. Suppose, for instance, thatA
is always {or mostly) 1, and B Is (nostly) 0. In the parallel solution, the switched capacitance is very
low since there are very few transitions on the dara bits, However, in the time-multiplexed solution,
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(a} Paralle
Figure 6-25 Parallel versus time-muitiplexed data busses.

data transmission (b) Serial data transmission

the bus topgles between 0 and 1. Care must be taken in digital systems to avoid time-multiplexing
data streams with very distinet data characteristics.

4. Glitch Reduction by balancing signal paths  The occurrence of glitching in a circuit is mainly
due to a mismatch in the path lengths in the network. If all input signals of a gate change simulta-
necusly, no glitching occurs. On the other hand, if input signals change at different times, a dynamic
hazard might develop. Such a mismatch in signal timing is typically the resuli of different path
lengths with respect to the primary inputs of the network. This is iilustrated in Figure 6-26. Assume
that the XOR gate has a unit delay. The first network (a) suffers from glitching as a result of the wide
disparity between the arrival times of the input signals for a gate, For example, for gate £, one inpul
settles at time 0, while the second one only arrives at time 2. Redesigning the network so that all
arrival times are identical can dramatically reduce the number of superflucus wansitions (network b).

1
F3
1 7
4]
=Dy
{a) Network sensitive to plitching {b} Glitch-free network

Figure 6-26 Glitching is influenced by matching of signal path lengths.,
The annotated numbers indicate the signal arrival times.

Summary

The CMOS logic style described in the previous section is highly robust and scalable with tech-
nology, but requires 2N transistors to implement an N-input logic gate. Also, the load capaci-
tance is significant, since each gate drives two devices {(a PMOS and an NMOS} per fan-out.
This has opened the door for alternative logic families that either are simpler or faster.

6.2.2 Ratioed Logic

Concept

Raticed logic is an attempt to reduce the number of tzansistors required to implement a given
logic function, often at the cost of reduced robustness and extra power dissipation. The purpose
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{a}) Generic {b} Pseudo-NMOS

Figure 6-27 Ratiosd logic gate.

of the PUN in complementary CMOS is to provide a conditional path between ¥ and the out-
put when the PDN is turned of. In ratioed logic, the entire PUN is replaced with a single uncon-
ditional load device that pulls up the output for a high output as in Figure 6-27a. Instead of a
combination of active puli-dows and puil-up networks, such a gate consists of an NMOS pull-
down network that realizes the fogic fiuncrion, and a simpie load device. Figure 6-27b shows an
example of ratived logic, which uses a grounded PMOS load and is referred to as a pseudo-
NMOS gate.

The clear advantage of a pseudo-NMOS gate is the reduced number of transistors (N + 1, ‘
versas 2¥ for complementary CMOS). The nominal high output voltage (V) for this gate is
Vpp since the pull-down devices are turned off when the output is pulled high (assuming that Vi,
is below Vi, ). On the other hand, the nominal low output voltage is not ¢ V, since there is con-
tention between the devices in the PDN and the grounded PMOS load device. This results in
reduced noise margins and, more importantly, static power dissipation. The sizing of the load
device relative to the pull-down devices can be used to trade off parameters such as noise mar-
gin, propagation delay, and power dissipation. Since the voltage swing on the output and the
overall functionality of the gate depend on the ratio of the NMOS and PMOS sizes, the circuit is
called ratioed. This is in contrast to the raticless logic styles, such as complementary CMOS,
where the low and high levels do not depend on transistor sizes.

Computing the de-transfer characteristic of the pseudo-NMOS proceeds along paths simi-
lar to those used for its complementary CMOS counterpart. The value of Vi, is obtained by
equating the currents through the driver and load devices for ¥, = V5. Al this operation poini, it
is reasonable to assume that the NMOS device resides in linear mode (since, ideally, the output
should be close to 0V}, while the PMOS load is saturated:

V2 Vissrs
6{(Von Vi Vou— =24+ 5 (Vo= Vi) Vosur,--2202) = 0 (627)

Assuming that ¥, is small relative to the gate drive (Vg — Vi), and that Vi, is equal to
Vyy, in magnitude, Vy; can be approximated as
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Vo= Eo(Vpp+ Vi) Vosams e W, Vosar (6.28)
klVpp—Vp) u,- W, o
In order to make V,,; as small as possible, the PMOS device should be sized much smaller
than the NMOS pull-down devices. Unfortunately, this has a negative impact on the propagation
delay for charging up the output node since the current provided by the PMOS device is limited.
A major disadvantage of the pseudo-NMOS gate is the static power that is dissipated when
the output is low through the direct current path that exists between Vi and GND. The static
power consumption in the low-output mode is easily derived:

(629

Piow = Vopliow=Vop-

2
V;DSA}"
f{.&{{—vi}i} - VTF} ) VDSAT:?_ B ff')

Example 6.7 Pseudo-NMOS Inverter

Consider a simple pseudo-NMOS inverter {where the PDN network in Figure 6-27 degen-
erates to a single transistor) with an NMOS size of 0.5 wm/0.25 pm. In this example, we
study the effect of sizing the PMOS device to demonstrate the impact on various parame-
ters. The WL ratio of the grounded PMOS is varied over values from 4, 2, 1, 0.5 1o 0.25,
Devices with a W-L < | are constructed by making the length greater than the widih. The
veltage transfer curve for the different sizes is plotted in Figure 6-28.

Table 6-9 summarizes the nominal output voltage (¥}, static power dissipation,
and the low-to-high propagation delay. The low-to-high delay is measured as the time it
takes to reach 1.25V from V,, (which is not OV for this inverter)—by definition. The
trade~off between the static and dynamic properties is apparent. A larger pull-up device
not only improves performance, but also increases static power dissipation and lowers
noise margins by increasing ¥, .

Vf'}u v

Figure 8-28 Vollage-transfer curves of the pssudo-NMOS
inverter as a function of the PMOS size.
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Table 8-8 Performance of a pseude-NMOS inverter.

_ Static Power

Size Vo Dissipation o
4 0.693V 364 pW 14 ps
2 0273V 208 W 36 ps
1 8.133V 160 W 123 ps
0.5 0.064 V oW 268 ps
0.25 0031V 41 W 569 ps

Notice that the simple first-order model to predict V,, is quite effective. For s PMOS
W-L of 4, V5, is given by (30/115) (4) (0.63V) = (.66V.

The static power dissipation of pseudo-INMOS Hmits its use. When area is most important
however, its reduced transistor count compared with complementary CMOS is guite attractive.
Pseudo-NMOS thus still finds occasional use in large fan-in circunits. Figure 6-29 shows the
schematics of pseudo-NMOS NOR and NAND gates.

Yoo

-
}.Om

L

{b) NAND
Figure 68-29  Four-inpui pseudo-NMOS NOR and NAND gates.
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Problem 6.5 NAND versus NOR in Psendo-NMOS

Given the choice between NOR or NAND logic, which one would you prefer for implementation in
pseudo-NMOS?

How to Build Even Better Loads

It is possibie to create 2 raticed logic style that completely eliminates static currents and pro-
vides rail-to-rail swing. Such a gate combines two concepts: differential logic and positive feed-
back. A differential gate requires that each input is provided in complementary format, and it
produces complementary outputs in turn. The feedback mechanism ensures that the load device
is turned off when not needed. An example of such a logic family, called Differential Cascode
Voltage Switch Logic (or DCVSLY), is presented conceptually in Figure 6-30a [Helier84].

The pull-down networks PDN1 and PDN2 use NMOS devices and are mutually exclu-
sive—that ig, when PDN1 conducts, PDN2 is off, and when PDN1 is off, PDN2 cenducts—such
that the required logic function and its inverse are simuitaneously implemented, Assume now
that, for a given set of inputs, PDN1 conducts while PDN2 does not, and that Ous and Out are
initially high and low, respectively, Turning on PDNI, causes Out to be pulled down, although
there is still contention between M, and PDNL. Our is in a high impedance state, as M, and
PDN2 are both wrned gff. PDNT must be strong enough 1o bring Out below Vyp, — |Vy ), the
point at which A4, turns or and starts charging Ou? 1o Vpp, eventually turning off A7;. This in turn
enables Ont to discharge all the way to GND. Figure 6-30b shows an example of an XOR~
XNOR gate. I otice that it is possible to share {ransistors among the two pull-down networks,
which reduces he implementation overhead.

The res. ting circuit exhibits a rail-to-rail swing, and the static power dissipation is
eliminated; in steady state, none of the stacked pull-down metworks and load devices are

Yoo Yoo
s
Qe Cremema———4 — W

DN DN
L L
(a} Basic principle {b) XOR-XNOR gate

Figure 6-30 DCVSL logic gate.
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simultaneously conducting. However, the circuit is still ratioed since the sizing of the PMOS
devices relative to the pull-down devices is critical to functionality, not just performance. In
addition to the problem of increased design complexity, this circuit style has a power-dissipation
problem that is due to cross-over currents. During the transition, there is a period of time when
PMOS and PDN are turned on simultanecusly, producing a short eircuit path.

Example 6.8 DCVSL Transient Response

An example transient response is shown in Figure 6.31 for an AND/NAND gaie in
DCVSL. Notice that as Our is pulied down 10 Vpp — |Vy |, Our starts to charge up to Vpp
quickly. The delay from the input to Onr is 197 ps and to Owr is 321 ps. A static CMOS
AND gate (NAND followed by an inverter) has a delay of 200 ps.
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Figure 8-31 Transient response of a simple AND/NAND DCVSL gate. M, and

M, 1 um/0.25 pm, M; and M, are 0.5 um/0.25 pm and the cross-coupled PMOS devices
are 1.5 um/0.25 um.

The DCVSL gate provides differential (or complemenzary) outputs. Both the output signal (V) and its
inverted value (V, ) are simultanecusly available. This is a distinct advantage, because it eliminates the
need for an extra inverter to produce the complementary signal. It has been observed that a differential
implementation of a complex function may reduce the number of gates required by a factor of two! The
number of gates in the critical timing path is often reduced as well. Finally, the approach prevents some of
the time-differential problems introduced by additional inverters. For example, in logic design, it often hap-
pens that both a signal and its complement are needed simultanecusly. When the complementary signal is
generated using an invertes, the Inverled signal is delayed with respect to the original (Figure 6-32a}. This
causes timing problems, especially in very high-speed designs. Logic families with differential output
capability avoid this problem to a major extent, if not completely (Figure 6-32b).

With all tese positive properties, why not always use differential logic? The reason is that the differ-
ential nature virtually doubles the number of wires that have to be routed, often lsading to unwieldy designs
on top of the additional impiementation overhead in the individual gates. The dynamic power dissipation
also is high.
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Figure 6-32 Advantage of over single-ended (a) differential {b) gate. B

6.2.3 Pass-Transistor Logic

Pass-Transistor Basies

A popular and widely used alternative to complementary CMOS is pass-trarsistor logic, which
attempts to reduce the number of fransistors required to implement logic by allowing the pri-
mary inputs to drive gate terminals as well as source—drain terminals [Radhakrishnan85]. This is
in contrast 10 logic families that we have studied so far, which only allow primary inputs to drive
the gate terminals of MOSFETS.

7 Figure 6-33 shows an implementation of the AND function constructed that way, using
only NMOS transistors. In this gate, if the B input is high, the top transistor is turned on aad cop-
ies the input A to the output F. When B is low, the bottom pass-transistor is turned on and passes
a 0. The switch driven by B seems to be redundant at first glance. Its presence is essential to
ensure that the gate is static—a low-impedance path must exist to the supply rails under all chi-
cumstances (in this particular case, when B is low).

The promise of this approach is that fewer transistors are required to implement 2 given
function. For example, the implementation of the AND gate in Figure 6-33 requires 4 transistors
(including the inverter required to invert B), while a complementary CMOS implementation
would require 6 transistors. The reduced number of devices has the additdonal advantage of
{ower capacitance.

A_; -
B
i LF=AB

Figure 6-33  Pass-transistor implementation of an AND gate.
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Unfortunately, as discussed earlier, an NMOS device i effective at passing a 0, but it is
poor at pulling a node to V,,. When the pass-transistor pulls a node high. the output only
charges up to Vp, — Vi, In fact, the situation is worsened by the fact that the devices experience
body effect, because a significant source-to-body voltage is present when pulling high. Consider
the case in which the pass-transistor is charging up a node with the gate and drain terminals set
at Vpp. Let the source of the NMOS pass-transistor be labeled x. The node x will charge up to
Voo — Vm(V,). We obtain

Ve = Vop= Vi +Y((J[20,] + V) - ./20,) (6.30)

Example 6.9 Voltage Swing for Pass-Transistors Circuits

The transient responsc of Figure 6-34 shows an NMOS charging up a capacitor. The
drain voltage of the NMOS is at Vpp, and its gate voltage is being ramped from 0 V
to Vpp Assume that node x is initially at O V. We observe that the output initially
charges up quickly, but the tail end of the transient is slow. The current drive of the
transistor (gate-to-source voltage) is reduced significantly as the output approaches
Vpp — Vi, and the current available to charge up node x is reduced drastically. Man-
ual calculation using Eq. (6.30) results in an output voltage of 1.8V, which is close
to the simulated value.
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Figure 6-34 Transient response of charging up a node using an Vdevice. Notice the
slow tail after an initial quick response. V,,=2.5V.

WARNING: The preceding example demonstrates that pass-transistor gates cannot be cas-
caded by connecting the output of a pass gate to the gate input of another pass-transistor.
This is illustrated in Figure 6-35a, where the output of M, (node x) drives the gate of another
MOS device. Node x can charge up to Vp,, — V.. If node C has arail-to-rail swing. node Y only
charges up to the voltage on node x — V,,,, which works out to Vj,, — Vy,.; — Vg,,,. Figure 6-35b,
on the other hand, has the output of M; (x) driving the junction of M,, and there is only one
threshold drop. This is the proper way of cascading pass gates.
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Figure 6-35 Pass-transistor output {drain—source} terminal should
riot drive other gate terminals to avoid multiple threshoid drops.

Example 6.10 VTC of the Pass-Transistor AND Gate

The voltage transfer curve of a pass-transistor gate shows little resemblance to comple-
mentary CMOS. Consider the AND gate shown in Figure 6-36. Similar to complementary
CMOS, the VTC of pass-transistor logic is data dependent. For the case when B = Vi, the
top pass-transistor is turned on, while the bottom one is turned off. In this case, the output
just follows the input A until the input is high enough to turn off the top pass-transistor
(i.e., reaches Vi, — Vi, ). Next, consider the case in which 4 = Vi, and B makes a transi-
tion from 0 — 1. Since the inverter has a threshold of Vj,,/2, the bottom pass-transistor is
turned on until then and the output remains close to zero. Once the bottom pass-transistor
turns off, the output follows the input B minus a threshold drep. A similar behavior is
observed when both inputs A and B transition from 0 — 1.

Observe that a pure pass-transistor gate is not regenerative. A gradual signal degra-
dation will be observed after passing through a number of subsequent stages. This can be
remedied by the occasional insertion of a CMOS inverter. With the inclusion of an inverter
in the signal path, the VTC resembles one of the CMOS gates.

1.3 pmf0.25 jin

I i
0.3 uml/0.25 pm 20 )
> 8= VppAd=0-=¥ps
LT
0.5 pe2sf0.25 o _ % 10
B +—F=4B
¢ z
0.5 pmf0.25 pn
0.0 e '
4.0 10 2.0

Figure 6-36 Voltage transfer characieristic for the pass-transistor AND
gate of Figure 6-33,

Pass-transistors require lower switching energy te charge up a node, due to the reduced
voltage swing, For the pass-transistor circuit in Figure 6-34, assume that the drain voitage is at
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Vpp and the gate voltage tramsitions to V. The output node charges from 0V to Vp, — Vy,
{assuming that node x was initially at §V), and the energy drawn from the power supply for
charging the output of a pass-transistor is given by

T 7
Eysy = JP(’W" = vﬁf}jfs‘uﬂpi)’{;)dr
g bl
{Von— Vi) {8.31)

I

VDD ." Cédvam = CL ) VDD ’ (VDD - V?‘:a)
g
‘While the circuit exhibits lower switching power, it may also consume static power when
the output is high—the reduced voltage level may be insufficient to turn off the PMOS transistor
of the subsequent CMOS inverter.

Differential Pass-Transistor Logic

For high performance design, a differential pass-transistor logic family, called CPL or DPL, is
commonly used. The basic idea {similar to DCVYSL) is to accept true and complementary inputs
and produce trae and complementary outputs. Several CPL gates (AND/NAND, OR/NOR, and
XOR/MNXORY) are shown in Figure 6-37. These gates possess some interesting propetties:

{a) Basic concept

B B B B B B
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E
3
i

B _ T i F=aAB B
ANDINAND OR/MNOR XORMXO
{b) Example pass-transistor networks
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Figure 6-37 Complementary pass-transistor logic {CPL}L.
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* Since the circuits are differential, complementary data inputs and cutputs are always avail-
able. Although generating the differential signals requires extra circuitry, the differential
style has the advantage that some complex gates such as XORs and adders can be realized
efficiently with & small number of transistors. Furthermore, the availability of both polari-
ties of every signal eliminates the need for extra inverters, as is often the case in static
CMOS or pseudo-NMOS.

«» CPL belongs to the class of static gates, because the output-defining nodes are always con-
nected to either Vj,, or GND through a low-resistance path. This is advantageous for the
noise resilience.

s The design is very modular. In effect, all gates use exactly the same topology. Only the
inputs are permutated. This makes the design of a library of gates very simple. More com-
plex gates can be built by cascading the standard pass-transistor modules.

Example 6.11 Four-Input NAND in CPL

Consider the implementation of a four-input AND/NAND gate using CPL.. Based on the
associativity of the boolean AND operation [A - B-C- D={(A - B} - (C - D)}, a two-stage
approach has been adopted to implement the gate (Figure 6-28), The total number of tran-
sistors in the gate {including the final buffer) is 14. This is substantialiy higher than previ-
ously discussed gattes‘3 This factor, combined with the complicated routing requirérnents,
makes this circuit style not particularly efficient for this gate. One should, however, be
aware of the fact that the structure simultansously implements the AND and the NAND
functions, which might reduce the transistor count of the overall eircuit.
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Figure 6-38 Layout and schematics of four-input NAND gate using CPL. The final
inverter siage is omitted.

¥This particalar circuit configuration is only acceptable when zero-threshold pass-transisters are used. If not, it directly
viclates the concepts introduced in Figure 5-35.

162



274 Chapter 6 = Designing Combinational Logic Gates in CMOS

In sum, CPL is a conceptually simple and modular logic style. Its applicability depends
strongly on the logic function to be implemented. The availability of a simple XOR and the
ease of implementing mulfiplexers makes it atractive for structures such as adders and multi-
pliers. Some exiremely fast and efficient implementations have been reported in that applica-
tion domain [Yano90]. When considering CPL, the designer should not ignore the implicit
routing overhead of the complementary signals, which is apparent in the layout of Figure 6-38.

Rebust and Efficient Pass-Transistor Design

Unfortunately, differential pass-transistor logic, like single-ended pass-transisior logic, suffers
from static power dissipation and reduced noise margins, since the high input to the signal-
restoring inverter only charges up to ¥, — V. There are several solutions proposed to deal with
this problem, outlined as fellows:

Solution 1: Level Restoration A common solulion to the voltage drop problem is the use of a
ievel restorer, which is a single PMOS configured in a feedback path (see Figure 6-39). The gate
of the PMOS device is connected to the output of the inverter its drain is connected to the input
of the inverter and the source is connected to V. Assume that node X is at OV (eur is at Vpp and
the M, is turned off) with B = V,, and A = 0. If input A makes a 0 to Vpp, transition, M, only
charges up node X to Vp, — V. This is, however, enough to switch the output of the inverter
low, mrning on the feedback device M, and puiling node X all the way to V. This eliminates
any static power dissipation in the inverter. Furthermore, no static current path can exist through
the level restorer and the pass-transistor, since the restorer is only active when 4 is high. In sum,
this circuit has the advaniage that all voltage levels are either at GND or Vi, and no static
power is consumed.

While this solution is appealing in terms of eliminating static power dissipation, it adds
complexity since the circuit is ratioed. The problem arises during the transition of node X from
high to low (seeFigure 6-40). The pass-transistor network attempts to pull down node X, while

Vop
M, l _V?i
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5
A= (}——I M, : X | Ot

L

Figure 68-3¢ Transistor-sizing problem in level-resioring circuits.
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Figure 6-40 Level-restoring circuit.

the level restorer pulls X 1o V). Therefore, the pull-down network, represented by A, must
be stronger than the pull-up device Mr to switch node X {and the output). Careful transistor
sizing is necessary to make the circuit function correctly. Assume the notation R, to denote the
equivalent on-resistance of transistor M,, R, for A, and R, for #,.. When R, is too small, it 1s
impossible to bring the voltage at node X below the switching threshold of the inverter. Hence,
the inverter output never switches to V5, and the gate is locked in a single state. The problem
can be resolved by sizing transistors M, and M, such that the voltage at node X drops below
the threshold of the inverter V,,, which is a function of R and R,. This condition is sufficient
to guarantee the switching of the output voltage V,, to Vpp and the turning off of the level-
restoring transistor.

Exampile 6.12 Sizing of a Level Restorer

Analyzing the circuit as a whole is nontrivial, because the restoring tramsistor acis as a
feedback device. One way to simplify the circuit for manual analysis is to open the feed-
back loop and to ground the gate of the restoring transistor when determining the switch-
ing point {this is a reasonable assumption, as the feedback only becomes active once the
inverter starts to switch). Hence, M, and M, form a configuration that resembles pseudo-
NMOS with M, the load transistor, and 3, acting as a pull-down network to GND.
Assume that the inverter M, M, is sized to have its switching threshold at V572 (NMOS:
0.5 um/0.25 um and PMOS: 1.5 um/0.25 pm). Therefore, node X must be pulled below
Vpp!2 to switch the inverter and to shut off A7,

This is confirmed in Figure 6-41, which shows the transient response as the size
of the level restorer is varied, while keeping the size of M, fixed (0.5 um/0.23 pun). As
the simulation indicates, for sizes above 1.5 um/0.25 um, node X cannot be brought
below the switching threshold of the inverter, and can’t switch the output.
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Figure 6-41 Transient response ¢f the clrcuit in Figure 6-38.
A level restorer that is oo large results in incorrect evaluation.

Another concern is the influence of the level restorer on the switching speed of the
device, Adding the restoring device increases the capacitance at the internal node X, slowing
down the gate. In addiction, the rise time of the gate is affected negatively. The level restor-
ing transistor M, fights the decrease in voltage at node X before being switched off. On the
other hand, the level restorer reduces the fall time, since the PMOS transistor, once turned on,
accelerates the pull-up action.

Problem 6.6 Device Sizing in Pass-Transistors

For the circuit shown ir Figure 6-39, assume that the pull-down device consists of six pass-transisiors in
series each with a device size of 0.5 pm/0.25 pm (replacing transistor #,,). Determine the maximum W—L
size for the level restorer transistor for correct functionality.

A modification of the level restorer concept is shown in Figure 6-42. It is applicable in dif-
ferential networks and is known as swing-restored pass-transistor logic. Instead of a simple
inverter at the output of the pass-fransisior network, two back-to-back inverters configured in 2
cross-coupled fashion are used for level restoration and performance improvement. Inpuls are
fed to both the gate and source—drain terminals, as in the case of conventional pass-transistor
networks. Figure 6-42 shows a simple XOR/XNOR gate of three variables 4, B, and C. The
complementary network can be optimized by sharing transistors between the true and comple-
mentary outputs. This logic family comes with a major caveat: When cascading gates, buffers
may have to be included in between the gates. If not, contention between the level-restoring
devices of the cascaded gates negatively impacts the performance.

Solution 2: Multiple-Threshold Transistors A technology selution to the voltage-drop prob-
lem associated with pass-transistor logic is the use of muitiple-threshold devices. Using zero-
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Figure B-42 Swing-restored pass-iransistor logic [Landmangi, Parameswargsl.

threshold devices for the NMOS pass-transistors eliminates most of the threshold drop, and
passes a signal close to Vpp. All devices other than the pass-transistors (i.e., the lnvertess) are
implemented using standard high-threshold devices. The use of multiple-thresheld transistors is
becoming more common, and invelves simple modifications to existing process flows. Observe
that even if the device implants were carefully calibrated to yield thresholds of exactly zero, the
body effect of the device still would prevent a full swing to Vpp.

The use of zero-threshold transistors has some negative impact on the powsr conswmnption
due to the subthreshoid currents flowing through the pass-transistors, even if Vi is below V.
This is demonstrated in Figure 6-43, which points out a potential sneak de-current path. While
these leakage paths are not critical when the device is switching constantly, they do pose a sig-
nificant energy overhead when the cirewit is in the idle state.

Soluticn 3: Transmission-Gate Logic The most widely nsed solution to deal with the volt-
age-drop problem is the use of rransmission gates.* This technique builds on the complementary
properties of NMOS and PMOS transistors: NMOS devices pass a strong {3, but a weak 1, while
PMOS wransistors pass 2 strong 1 but 2 weak 0. The ideal approach is to use an NMOS 1o pull
down and a PMOS to pull up. The transmission gate combines the best of both device flavors by
placing an NMOS device in parallel with a PMOS device as in Figure 6-44a. The control

SThe transmission gaie is only one of the possible solutions. Other styles of pass-transistor networks that combing
NMOS pnd PMOS transistors have been devised, Double pass-transistor Jogic (DPL) is an example of such
{Bernstein®s, pp. 841
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Figure 6-43 Static power consumption when using zero-threshold
pass-transistors.

{a) Circuit {b) Symbolic representation

Figure 6-44 CMOS transmission gate.

signals to the transmission gate (C and C) are complementary. The transmission gate acts as a
bidirectional switch controlled by the gate signal C. When C = 1, both MOSFETSs are on, allow-
ing the signal to pass through the gate. In short,

A=B if C=1 6.32)

On the other hand, C = 0 places both transistors in cutoff, creating an open circuit between nodes
A and B. Figure 6-44b shows a commonly used {ransmission-gate symbol.

Consider the case of charging node B to V,, for the transmission-gate circuil in
Figure 6-45a. Node A is set at ¥y, and the transmission gate is enabled (C =1 and C=0)If
only the NMOS pass device were present, node B would only charge up w0 Vpp — Vo, at
which point the NMOS device would turn off. However, since the PMOS device is present
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Figure 6-45 Transmission gates enable rail-to-rail switching.

and is “on” (Vigg, = —V};), the output charges all the way up to Vjp,. Figure 6-45b shows the
opposite case—that is, discharging node B to 0. B is initially at Vp, when node A is driven
Iow. The PMOS transistor by itself can only pull-down node B to Vy, at which point it turns
off. The parallel NMOS device stays twrned on, however (since its Vg, = Vpp), and pulls
node B all the way to GND. Although the fransmission gate requires two transistors and more
control signals, it enables rail-to-rail swing.

Transmission gates can be used to build some complex gates very efficiently. Figure 6-46
shows an example of a simple inverting two-input multiplexer. This gate either selects input A or
B on the basis of the value of the control signal 8, which is equivalent to implementing the fol-
fowing Boolear function:

F=(A-8S+B-5 (6.33)

A complementary implementation of the gate requires eight transistors instead of six.
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Figure 8-46 Transmission-gate multiplexer and ifs layout.
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Figure 6-47 Transmission-gate XOR.

Another example of the effective use of transmission gates is the popular XOR circuit
shown in Figure 6-47. The complete implementation of this gate requires only 6 transistors
{including the inverter used for the generation of B), compared with the 12 transistors required
for a complementary implementation. To understand the operation of this circuit, we need only
analyze the B = 0 and B = 1 cases separately. For B = 1, transistors M, and 3/, act as an inverter,
while the transmission gate M;/M, is off; hence, £ = AB. In the opposite case, A, and 34, are
disabled, and the transmission gate is operational, or F = AB. The combination of both leads to
the XOR function. Notice that regardless of the values of 4 and B, node F always has a connec-
tion to either Vp,, or GND and thus is a low-impedance nede. When designing static-pass-tran-
sistor networks, it is essential to adhere to the low-impedance rule under all circumstances.
Other examples in which transmission-gate logic is effectively used are fast adder circuits and
registers.

Performance of Pass-Transistor and Transmission-Gate Logic

The pass-transistor and the transmission gate are, unfortunaiely, not ideal swiiches, and they
have a series resistance associated with them. To guantify the resistance, consider the circuit in
Figure 6-48, which involves charging a node from 0 V to Vy,. In this discussion, we use the
large-signal definition of resistance, which involves dividing the voltage across the switch by the
drain current. The effective resistance of the switch is modeled as a parallel conrection of the
resistances R, and R, of the NMOS and PMOS devices, defined as (Vpp - Vo iy, and (Vpp —
V.. M(=1p,), respectively. The currents through the devices obviously are dependent on the value
of V,,, and the operating mode of the transistors. During the low-to-high transition, the pass-tran-
sistors traverse through a number of operation modes. For low values of V,_,,, the NMOS device

1s saturated and the resistance is approximated as

R = ng - VBD = Vozu_ VQD
i ]Dp

( tht B yDD}E)

k;? ’ ((_VBD_ VTp:](Vam ~Vop)- 7

(6.34)

1
k;}(_VDD - VT[J)
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Figure 6-48 Simulated equivalent resistance of transmission gate for low-to-high
fransition (for fWL), = (W-L), = 0.5 um/0.25 um). A similar response for overall
resistance is obtamed for the ﬂtgh-to-low fransition.

The resistance goes up for increasing values of V,,, and approaches infinity when V,, reaches
Vyp — Vr, and the device shuts off. Similarly, we can analyze the behavior of the PMOS transis-
tor, When V. is small, the PMOS is saturated, but it enters the linear mode of operation for V,,
approaching V. This gives the following approximated resistance:

Vam - VED Vam - YDD

B = =
P Iy

{ o v }
.Eip - ((“V{}g"‘ VT;;){VO:H - VDD) ——i—z—ﬁ ] {535}
i

Tk, (-Vpp— Vi)

The simulated value of R, = R, || R, as 2 function of V,,,, is plotted in Figure 6-48. It can
be observed that R, is relatively constarmt (= 8 k€2 in this particular case}. The same is true in
other design instances {for example, when discharging C; ). When analyzing transmission-gate
networks, the simplifying assumption that the switch has a constant resistive value is therefore
acceptable.

Problem 6.7 Egquivalent Resistance during Discharge

Determnine the egnivalent resistance by simulation for the high-to-low transition of a transmission gaie. (In
other words, produce a plot similar to the one presented in Figure 6-48).

An important consideration is the delay associated with a chain of transmission gates.
Figure 6-49 shows a chain of » transmission gates. Such a configuration often occurs in circuits
such as adders or deep multiplexors. Assume that afl transmissicn gates are turned on and a step
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{a) A chain of transmission gates

; —I—C Ic

{b} Equivalent RC network
Figure 6-49 Speed oplimization in transmission-gaie networks.

is applied at the input. To analyze the propagation delay of this network, the transmission gates
are replaced by their equivalent resistances R,,,. This produces the network of Figure 6-49b.

The delay of a network of # transmission gates in sequence can be estimated by using the
Elmore approximation (see Chapter 4):

N

1,(V,) = 0.69) CR,k = COICK,,
k=4

a(n+ 1)

5 (6.36)

This means that the propagation delay is proportional to »” and increases rapidly with the num-
ber of switches in the chain.

Example 6.13 Delay of Transmission-Gate Chain

Consider 16 cascaded minimum-sized transmission gates, each with an average resistance
of 8 kQ. The node capacitance consists of the capacitance of two NMOS and PMOS
devices (junction and gate). Since the gate inputs are assumed to be fixed, there is no
Miller multiplication. The capacitance can be calculated to be approximately 3.6 {F for the
low-to-high transition. The delay is given by

a{n+ 1}
2

16(16+ 1)

t, = 0.69-CR,, 3

= 0.69 - (3.6 fF)(8 KQ)( )z 27ns 6.37)

The transient response for this particular exampie is shown in Figure 6-50. The sim-~
uiated delay is 2.7 ns. It is remarkable that a simple RC model predicts the delay so accu-
rately. It is also clear that the use of long pass-transistor chains causes significant delay

degradation.
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Figure 6-5¢ Speed optimization in ransmission-gate networks.

The most commeon approach for dealing with the long delay is to break the cham and
insert buffers every m switches (Figure 6-51). Assuming a propagation delay 1, for each buffer,
the overall propagation delay of the transmission gate—buffer network is then computed as
follows:

)
]

- mim+ 1}
0. 69[ CR, T] + [.- - 1);@‘,

nim+ 13 (__ )
0,69[@2 i ] 2 Uty

(6.38)

The resulting delay exhibits only a linear dependence on the number of switches », in con-
trast to the unbuffered circuit, which is quadratic in #. The optimal number of switches m,,

at
between buffers can be found by setting the derivative gi to &, which yiclds

—

= 17 (Lot
My, = L7 JCR,, (6.39)

‘Ie{:'l‘v
I
C C C C

Figure 6-51 Breaieﬂg up iong transmssnon—gate chains by msertmg huffers.
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Obviously, the namber of switches per segment grows with increasing values of £, .. In current
technologies, m,, typically equals 3 or 4. The presented analysis ignores that ipy,itself is a func-
tion of the load m. A more accurate analysis taking this factor into account is presented in Chapter 9.

Example 6.14 Transmission-Gate Chain

Consider the same 16-transmission-gate chain. The buffers shown in Figure 6-51 can be
implemented as inverters (instead of two cascaded inverters). In some cases, it might be
necessary to add an extra inverter to produce the correct polarity. Assumning that gach
inverter is sized such that the NMOS is 0.5 um/0.25 wmn and PMOS is 0.5 gm /0.25 pum,
Eq. {6.39) predicts that an inverter must be inserted every 3 fransmission gates. The simu-
lated delay when placing an inverter every two transmission gates is 154 ps; for every
three transmission gates, the delay is 154 ps; and for four transmission gates, it is 164 ps.
The insertion of buffering inverters reduces the delay by a factor of almost Z.

CAUTION: Although many of the circuit styles discussed in the previous sections sound very
interesting, and might be superior to static CMOS in many respects, none has the robustness and
ease of design of complementary CMOS, Therefore, use them sparingly and with caution. For
designs that have no extreme area, complexity, or speed constraints, complementary CMOS is
the recommended design style.

6.3 Dynamic CMOS Design

1t was noted earlier that static CMOS logic with a fan-in of N requires 2N devices. A variety of
approaches were presented to reduce the number of transistors required to implement a given
logic function including pseudo-NMOS, pass-transistor logic, etc. The peeuda-NMOS logic
style requires only N + 1 transistors to implement an & input logic gate, but unfortunately it has
static power dissipation. In this section, an alternate logic style calied dynantic logic is presented
that obtains a similar result, while avoiding static power consumption. With the addition of a
clock input, it uses a sequence of precharge and conditional evaluation phases.

6.3.1 Dynamic Logic: Basic Principles
The basic construction of an (n-type) dynamic logic gate is shown in Figure 6-52a. The PDN
(pull-down network) is constructed exactly as in complementary CMOS. The operation of this
circuit is divided into two majer phases—precharge and evaluation—with the mode of opera-
tion determined by the cleck signal CLK.

Precharge

When CLK = 0, the output node Qut is precharged 1o Vjp by the PMOS transistor M,,. During
that time, the evaluate NMOS transistor #, is off, so that the puli-down path is disabled. The
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(a) n-type nelwork {b) Example
Figure 6-52 Basic concepts of a dynamic gate.

evaluation FET eliminates any static power that would be consumed during the precharge period
{i.e., static current would flow between the supplies if both the pull-down and the precharge
device were turned on simultanecusly},

Evaluation

For CLK = 1, the precharge transistor M, is off, and the evaluation transistor M, is turned on. The
output is conditionally discharged based on the input values and the puli-down topology. H the
inputs are such that the PDN cenducts, then a low resistance path exists between Out and GND,
and the output is discharged to GND. If the PDN is turned off, the precharged value remains
stored on the output capacitance €, , which is a combination of junction capacitances, the wiring
capacitance, and the input capacitance of the fan-out gates. During the evaluation phase, the only
possible path between the output node and a supply rail is to GNI. Consequently, once Qut is
discharged, it cannot be charged again until the next precharge operation. The inputs to the gate
can thus make af most ene transition during evaluation. Notice that the output can be in the
high-impedance state during the evaluation period if the pull-down network is turned off. This
behavior is fundamentally different from the static counterpart that always has a low resistance
path between the output and one of the power ratls.

As an example, consider the circuit shown in Figure 6-32b. During the precharge phase
(CLK = 0), the cutput is precharged to V¥, regardless of the input values, because the evaluation
device is rned off. During evalvation {CLK = 1), a conducting path is created between Out and
GND if (and only i1 A - 8 + C is TRUE. Otherwise, the output remains at the precharged state of
Vpp. The following function is thus realized:

Our = CLK+(A-B+C)-CLK (6.40)
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A number of important properties can be derived for the dvnamic logic gate:

*» The logic function is implemented by the NMOS pull-down petwork. The construction of
the PDN proceeds just as it does for static CMOS.

» The number of transistors {for complex gates) is substantially lower than in the static case:
N + 2 versus 2N,

= It is nonratioed. The sizing of the PMOS precharge device is not important for realizing
proper functionality of the gate. The size of the precharge device can be made large to
improve the low-to-high transition time (of course, at a cost to the high-to-low transition
time}, There is, however, a trade-off with power dissipation, since a larger precharge
device directly increases clock-power dissipation.

= It only consumes dynramic power. Ideally, no static current path ever exists between ¥V,
and GNI. The overall power dissipation, however, can be significantly higher compared
with a static logic gate.

= The logic gates have faster swirching speeds, for two main reasons. The first (obvious) rea-
son is due to the reduced load capacitance attributed to the lower number of transistors per
gate and the single-transistor load per fan-in. This translates in a reduced logical effort.
For instance, the logical effort of a two-input dynamic NOR gate equals 2/3, which is sub-
stantially smaller than the 5/3 of its static CMOS counterpart. The second reason is that
the dynamic gate does not have short circuit current, and all the current provided by the
puil-down devices goes towards discharging the load capacitance,

The low and high ocutput levels of V; and V,,, are easily identified as GND and V5, and
they are not dependent on the transistor sizes. The other VTC parameters are dramatically differ-
ent from static gates. Noise margins and switching thresholds have been defined as static quanti-
ties that are not a function of time. To be functional, a dynamic gate requires a periodic seguence
of precharges and ¢valuations. Pure static analysis, therefore, does not apply. During the evalaa-
tion period, the pull-down netwosk of a dynamic inverter starts to conduct when the input signal
exceeds the threshold voltage (V7)) of the NMOS pull-down transistor. Therefore, it is reason-
able to assume that the switching threshold (Vi) as well as Vj, and V;; are equal to Vi, This
wanslates to a low value for the N, .

1t is alsp possible to implement dynamic logic using the dual approach, where the gutput node is connected
by a predischarge NMOS transistor to GND, and the evaluation PUN network is implemented in PMOS.
The operation is similar: During precharge, the output node is discharged 1o GND; during evaluation, the
cutput is conditionally charged to V. This p-type dynamic gate has the disadvantage of being slower
than the n-type because of the lower current drive of the PMOS transistors. =
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6.3.2 Speed and Power Dissipation of Dynamic Logic

The main advantages of dynamic logic are increased speed and reduced implementation area,
Fewer devices o implement a given logic function implies that the overali load capacitance is
much smaller, The analysis of the switching behavior of the gate has some interesting pecaliari-
ties to it. After the precharge phase, the output is high. For a low input signal, no additional
switching occurs. As a result, #,;, = 0! The high-to-low transition, on the other hand, requires
the discharging of the output capacitance through the pull-down network. Therefore, 1, is pro-
portional to C; and the corrent-sinking capabilities of the pull-down network. The presence of
the evaluation transistor siows the gate somewhat, as it presents an extra series resistance, Omit-
ting this transistor, while functionally not forbidden, may result in static power dissipation and
potentially a performance loss.

The preceding analysis is somewhat unfair because it ignores the influence of the pre-
charge time on the switching speed of the gate. The precharge time is determined by the time it
takes to charge (; through the PMOS precharge transistor. During this time, the logic in the gate
cannot be utilized, Very often, however, the overall digital system can be designed in such a way
that the precharge time coincides with other system functions. For instance, the precharge of the
arithmetic unit in a microprocesser could coincide with the instruction decode. The designer has
to be aware of this “dead zone™ m the use of dynamic logic and thus should carefully consider
the pros and cons of its usage, taking the overall system requirements into account

Example 615 A Four-Input Dynamie NAND Gate

Figure 6-53 shows the design of a four-input NAND example designed using the dynamie-
cireuit style. Due to the dynamic nature of the gate, the derivation of the voltage-transfer
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Figure 6-53 Schematic and transient response of a four-input dynamic NAND gate.
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characteristic diverges from the traditional approach. As discussed earlier, we assume that
the switching threshold of the gate equals the threshold of the NMOS pull-down transistor.
This results in asymmetrical noise margins, as shown in Table 6-10.

Table 6-10 The de and ac parametors of a four-input dynamic NAND,

Transistors Vou Vor Yo Ny NAE, ton Lorsi Lore

6 23V 0V ¥ry  25-Vye Vo 110 ps Ops 83 ps

The dynamic behavior of the gate is simulated with SPICE. It is assumed that ali
inputs are set high when the clock goes high. On the rising edge of the clock, the ouput
node is discharged. The resulting transient response is plotted in Figure 6-53, and the
propagation delays are summarized in Table 6-10. The duration of the precharge cycle can
be adjusted by changing the size of the PMOS precharge transistor. Making the PMOS too
large should be avoided, however, as 1t both slows down the gate and increases the capaci-
tive load on the cleck line. For large desigas, the latter factor might become a major design
concern becanse the clock load can become excessive and hard to drive.

As mentioned earlier, the static gate parameters are time dependent. To illustrate
this, consider a four-input NAND gate with all the partial inputs tied together, and are
making a low-to-high transition. Figure 6-54 shows a transient simulation of the cutput
voltage for three different input transitions—ifrom € to 0.45 ¥, 0.3V and 0.55V, respec-
tively. In the preceding discussion, we have defined the switching threshold of the
dynamic gate as the device threshold. However, notice that the amount by which the out-
put voltage drops is a strong function of the input voltage and the available evaluarion
timee. The noise voltage needed to corropt the signal has to be larger if the evaluation time
is short. In other words, the switching threshold is truly time dependent.

Vidtage, V

VS I DU SR
& 210 4G 5 a0 106

Thee,ng
Figure 6-54 Effect of an input glitch on the output.

The switching threshold depends on the time for evaluation,
A larger glitch is acceptable if the evaluation phase is shorter.

177




6.3 Dynamic CMOS Design 289

It would appear that dynamic logic presents a significant advantage from a power perspec-
tive, There are three reasons for this. First, the physical capacitance is lower since dynamic fogic
ases fewer transistors to implement a given function. Also, the load seen for each fan-oui is one
transistor instead of two. Second, dynamic logic gates by construction can have at most one fran-
sition per clock eycle. Giitching {or dynamic hazards) does not occur in dynamic fegic. Finally,
dynamic gates do not exhibit short-circuit power since the pull-up path is not turned on when the
gate is evaluating.

While these arguments generally are tue, they are ofiset by other considerations: {1) the
clock power of dynamic logic can be significant, particularly since the clock node has a guar-
anteed transition on every single clock eycle; (2) the number of transistors is greater than the
minimal set required for implementing the logic; (3) short-circuit power may exist when leak-
age-combatting devices are added (as will be discussed further); and (4), most importantly,
dynamic logic generally displays a higher switching activity due to the periodic precharge and
discharge operations. Earlier, the transition probability for a static gate was shovnto be g p =
P (1 = pg). Por dynamic logic, the output transition probability does not depend on the state
{history) of the inputs, but rather on the signal probabilities. For an »-tree dynamic gate, the
gutput makes a 0 — 1 transition during the preckarge phase only if the ouiput was discharged
during the preceding evaluate phase. Hence, the O — [ transition probability for an n-type
dynarmic gate is given by

49,1 = P (641}

where 3, is the probability that the output is zero. This number is always greater than or equal to
Po - For uniformly distribated inputs, the transition probability for an M-input gate is
N
g5 = —;3
2

{6.42)

where NV, is the number of zero entries in the truth table of the logic function.

Example 6.16 Activity Estimation in Bynamic Logic

To ilflustrate the increased activity for a dynamic gate, consider again a two-input NOR
gate. An n-tree dynamic implementation is shown in Figure 6-33, along with its static
counterpart. For equaily probable inputs, there is a 73% probability that the output node of
the dynamic gate discharges immediately after the precharge phase, implying that the
activity for such a gate equals 0.75 (i.e., Py = 0.75 C, V., f.i). The corresponding activ-
#y is a lot smaller, 3/16, for a static implementation. For a dynamic NANTY gate, the tran-
sition probability is 1/4 (since there is a 25% probability the output will be discharged)
while it is 3/16 for a static implementation. Although these examples illustrate that the
switching activity of dynamic logic is generally higher, it should be noted that dynamic
togic has lower physical capacitance. Both factors must be accounted for when analyzing
dynamic power dissipation.
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Figure 6-55 Static NOR versus n-type dynamic NGR.

Problem 6.8  Activity Computation

For the four-input dynarsic NAND gate, compute the activity factor with the following assumption for the
inputs: They are independent, and p,_, =02, p2,_, =03, p., = 0.5, and p,_ = 0.4

6.3.3 Signal iniegrity Issues in Dynamic Design

Dynamic logic clearly can result in high-performance solutions compared to static circnits.
However, there are several important considerations that must be taken into account if one wanls
dynamic circuits o function properly. These include charge leakagpe, charge sharing, capacitive
coupling, and clock feedthrough. These issues are discuszed in some detail in this section.

Charge Leakage

The operation of a dynamic gate relies on the dynamic storage of the output value on a capaciter.
If the puil-down network is off. ideally, the output should remain at the precharged state of Vi,
during the evaluation phase. However, this charge gradually leaks away due to leakage currents,
eventually resulting in a malfunctioning of the gate. Figure 6-36a shows the sources of leakage
for the basic dynamic inverter circait.

Source 1 and 2 are the reverse-biased diode and subthreshold leakage of the NMOS
pull-down device M|, respectively. The charge stored on C; will slowly leak away through
these leakage channels, causing a degradation in the high level (Figare 6-56b}. Dynamic cir-
cuits therefore require a minimal clock rate, which is typically on the order of 2 few kHz. This
makes the usage of dynamic techniques unaitractive for low-performance products such as
watches, or processors that use conditional clocks (where there are nc gnarantees on mini-
mum clock rates). Note that the PMOS precharge device also coniribuies some leakage cur-
rent due to the reverse bias diode (source 3) and the subthreshold conduction (source 4), To
some extent, the leakage current of the PMOS counteracts the leakage of the pull-down path.
As a resull, the output voltage is going to be set by the resistive divider composed of the pull-
down and pull-up paths.
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Figure 8-368 Leakag e issues in dynamic circuils.

Example 6.17 Leakage in Dynamic Circuits

Consider the simple inverter with all devices set at 0.5 Um/8.25 lim. Assume that the input
is tow during the evaluation period. Ideatly, the output should remain at the precharged
state of ¥y, However, as seen from Figure 5-57, the output voltage drops. Once the out-
put drops beiow the switching threshold of the fan-cut logic gate, the output is interpreted
as a low veliage. Notice that the output settles to an intermediate voltage, due to the leak-
age current provided by the PMOS pull-up.

M)

o z,z}j§ 4
s i
N :
1ok —
| ~
CLK
0.0 (P B B ,
i} T 20 a0 40

Time, ms

Figure 6-57 impact of charge isakage. The output settles to an intermediate
voltage determined by a resisiive divider of the pull-down and pull-up deviges.

Leakage is caused by the high-impedance state of the output node during the evaluate
mode, when the pull-down path is turned off. The leakage problem may be counteracted by
reducing the output impedance on the output node during evaiuation. This often is done by
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Figure 6-58 Static bieeders compensate for the charge leakage.

adding a bleeder transistor, as shown in Figure 6-58a. The only function of the bleeder—an
NMOS style pull-up device—Iis to compensate for the charge lost due to the pull-down leakage
paths. To avoid the ratio problems associated with this style of circuit and the associated static
power consumption, the bleeder resistance is made high (in other words, the device is kept
small). This alfows the (sirong) pull-down devices to lower the Out node substantially below the
switching threshold of the next gate. Often, the bleeder is implemented in a feedback configura-
tion to eliminate the static power dissipation altogether (Figure 6-33b).

Charge Sharing
Another important concern in dynamic logic is the impact of charge sharing. Consider the circuit
in Figure 6-59. During the precharge phase, the output node is precharged to V5. Assume that all
inputs are set to 0 during precharge, and that the capacitance C,, is discharged. Assume further that
input B remains at 0 during evaluation, while input A makes 2 0 — 1 transition, turning transistor
M, on. The charge stored originally on capacitor C; is redistributed over C; and C,. This causes
adrop in the output voltage, which cannot be recovered due to the dynamic nature of the cirenit.
The influence eon the output voltage is readily celculated. Under the assumptions given
previously, the following initial conditions are valid: V, (= 0) = Vp, and Vit =0) = 0. As a
result, two possible scenarios must be considered:

1. AV, < Vg, Inthiscase, the final value of Vy equals Vi — V7, (V). Charge conservation

then yields
CLVDD = CL Vmﬂ{ final} + C(![VDD - V‘?ﬁ( VX}}

or (6.43)

Cﬁ
éVm” = Vam(fmai}-i-(—VDD} = "‘E‘;{VDD—E’!T"{VX:?E
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Figure 6-58 Charge sharing in dynamic networks.

2. A§er{! > ;‘Tn‘ L’ﬂfﬁf and VX then reach the same value:
AV, = -V (— W (6.44)
o np ] : Cg‘} X

We determine which of these scenarios is valid by the capacitance ratio. The boundary condition
between the two cases can be determined by setting AV, equal lo Vi, in Eq. (6.44), yielding

Cu V'fﬂ
B L {6.45)

Case | holds whean the (C /C, ) ratio is smaller than the condition defined in Eq. (6.45). If not,
Eq. (6.44) is valid. Overall, it is desirable to keep the value of AV,,, below |V, | The cutput of
the dynamic gate might be connected to a static inverter, in which case the low level of Vs
would cause static power consumption. One major concern is a circuit malfunction if the output

voltage is brought below the switching threshold of the gate it drives.

Example 6.18 Charge Sharing

Let us consider the impact of charge sharing on the dvnamic logic gate shown in Figure 6-60,
which impiements a three-input EXOR fumction y = A & B @ C. The first question o be
resolved is what conditions cause the worst case voliage drop on node v. For simplicity, ignore
the load inverter, and assume that all inputs me low during the precharge operation and that all
isclated mternal nodes (V,, ¥, V_, and V) are initially at OV,

Inspection of the truth table for this particular logic function shows that the output
stays high for 4 out of § cases. The worst case change in output is obtained by exposing
the maximuwm amount of iaternal capacitance to the output node during the evaluation
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Vﬁ Fi3 = 2.5 V
Load inverter

Figure 6-60 Exampie illustrating the charge-sharing effect in dynamic legic.

period. This happens for A B C or A B C. The voltage change can then be obtained by
eguating the initial charge with the final charge as done with equation Eqg. (6.44), yield-
ing a worst case change of 30/(30 + 50) * 2.3V = .94V, To ensure that the circuit fune-

tions correctly, the switching threshold of the connecting inverter should be placed below
2.5-094=156V.

The most commen and sffective approach to deal with the charge redistribution is to also
precharge critical internal nodes, as shown in Figure 6-61. Since the internal nodes are charged

CLK—9

CLK —

Figure 6-61 Dealing with charge sharing by precharging internal nodes. An NMGS
precharge lransistor may aiso be used, but this reguires an inverted clock.
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1o Vp; during precharge, charge sharing does not ocour. This solution obviously comes at the
cost of increased area and capacitance.

Capacitive Coupling

The relatively high impedance of the culput node makes the circuit very sensitive to crosstalk
effects. A wire routed over or next to a dynamic node may couple capacitively ard destray the
state of the floating node. Another equally important form of capacitive coupling is backgare (or
output-to-input) coupling. Consider the circuit shown in Figure 6-62a, in which a dynamic two-
input NAND gate drives a static NAND gate. A transition in the input fn of the static gate may
cause the output of the gate () to go low. This output transition couples capacitively to the
ather input of the gate (the dynamic node Out,) through the gate—source and gate—drain capaci-
tances of transistor M,. A simulation of this effect is shown in Figure 6-62b. It demonstrates how
the coupling causes the output of the dynamic gate Our, to drop significantly. This further causes
the output of the static NAND gate not to drop all the way down to 0 V and a small amount of
static power to be dissipated. If the voitage drop is large enough, the circuit can evaluate incor-
rectly, and the NAND ouiput may not go low. When designing and laying out dynamic circuits,
special care is needed to minimize capacitive coupling.

Clock Feedthrongh

A special case of capacitive coupling is clock feedthrough, an effect cansed by the capacitive
coupling between the clock input of the precharge device and the dynamic output node. The cou-
pling capacitance consists of the gate-to-drain capacitance of the precharge device, and inciudes
both the overlap and channel capacitances. This capacitive coupling causes the output of the
dynamic node to rise above Vi, on the low-to-high transition of the clock, assuming that the
pull-down network is turned off. Subsequently, the fast rising and falling edges of the clock cou-
ple onto the signal node, as is quite apparent in the simulation of Figure 6-62b.

The danger of clock feedthrough is that it may cause the normally reverse-biased junction
diodes of the precharge transistor to become forward biased. This causes electron injeciion into
the substrate, which can be collected by a nearby high-impedance node in the 1 state, eventually
resulting in faulty operation. CMOS latchup might be another result of this injection. For all pur-
poses, high-speed dynamic circuits should be carefully simulated to ensure that clock
feedthrough effects stay within bounds.

All of the preceding considerations demonstrate that the design of dynamic circuits is
rather tricky and requires extreme care, It should therefore be attempted only when high perfor-
mance is required, or high guality design-automation teols are available.

6.3.4 Cascading Dynamic Gates

Besides the signal integrity issues, there is one major catch that complicates the design of
dynamic circuits: Straightforward cascading of dynamic gates to create multilevel logic struc-
tures does not work. The problem is best ilustrated with two cascaded r-type dynamic

184



296 Chapter & ¢ Designing Combinational Logic Gates in CMOS

Vop

In

(a)

Die to clock feedihrough
3.0 ] -

%

t v Outy [ -

|

b
P
I

>a~
% A A
= L _
= 16 CLK JW}‘mez{éoo:sm:)l
= - ?g%i's)gharge to GND)
; i : | .
-1.0
1 o 2 4 4
Tine, ns
(b)

Figure 6-62 Example demonstrating the effect of backgate coupling:

{a) circuit schematics; (b) simulation resuils.
inverters, shown in Figure 6-63a. During the precharge phase {i.e., CLK = 0}, the outputs of
both inverters are precharged to Vp,,. Assume that the primaszy input /n makes a 0 — 1 traosi-
tion (Figure 6-63b). On the rising edge of the clock, cutput Ow; starts to discharge. The sec-
ond output should remain in the precharged state of Vpp as its expected value is 1 {Our,
transitions to O during evaluation). However, there is a finite propagation delay for the input to
discharge Ouwr, to GND. Therefore, the second output also starts to discharge. As long as Ot
exceeds the switching threshold of the second gate, which approximately equals Vr,. a con-
ducting path exists between Ount, and GND, and precious charge is lost at Qufy. The conduct-
ing path is only disabled once Gur, reaches Vi, and tums off the NMOS pull-down transistor.
This leaves Our, at an intermediate voltage level. The correct level will not be recovered,
because dynamic gates rely on capacitive storage, in contrast to static gates, which have dc res-
toration. The charge loss leads to reduced noise margins and potential malfunctioning.
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Figure 6-83 Cascade of dynamic n-type biocks.

The cascading problem arises because the outputs of each gate—and thus the inputs to the
next stages—are precharged to 1. This may cause inadvertent discharge in the beginning of the
evaluation cycle. Setting all the inputs to 0 during precharge addresses that concern. When doing
so, all transistors in the pull-down network are turned off after precharge, and no inadvertent dis-
charging of the storage capacitors can cccur during evaluation. In other words, correct operation
is gnaranieed as long as the inputs can only make a single §# — 1 transition during the evalu-
ation period.” Transistors are turned on only when needed—and at most, once per cycle. A
number of design siyles complying with this rule have been conceived, but the two most impor-
tant ones are discussed next.

Domino Logic

Concept A domino iogic module [KrambeckB82] coasists of an n-type dynamic logic block
followed by a static inverter (Figure 6-64). During precharge, the output of the n-type
dynamic gate is charged ap to Vpp. and the output of the inverter is set to 0. During evalua-
tion, the dynamic gate conditionally discharges, and the output of the inverter makes a condi-
tional transition from 0 — 1, If one assumes that all the inputs of a domino gate are outputs
of other domino gates,’® then it is ensured that all inputs are set to O at the end of the pre-
charge phase, and that the only transitions during evalvation are 0 —» 1 transitions. Hence,
the formuiated rule is obeyed. The introduction of the static inverter has the additional advan-
tage that the fan-out of the gate is driven by a static inverter with a low-impedance output,
which increases noise immunity. Also, the buffer reduces the capacitance of the dynamic out-
pot node by separating internal and load capacitances. Finally, the inverter can be used to
drive a bleeder device to combat leakage and charge redistribution, as shown in the second
stage of Figure 6-64.

SThis ignores the impact of charge distribution and leakage effects, discussed earfier.
St is required that all other inputs that do not falt under this clessification (for instance, primary inputs} stay constant
during evaluation.
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Figure 6-64 Dominoc CMOS logic.

Consider now the operation of a chain of domine gates. During precharge, all inputs are
set to . During evaluation, the cutput of the first domino block either stays at {0 or makes a
0 — 1 transition, affecting the second gate. This effect might ripple through the whote chain,
one after the other, similar to a hne of falling dominoes—hence the name. Domino CMOS has
the following properties:

« Since cach dynamic gate has a static inverter, oniy noninverting logic can be implemented.
Although therc are ways io deal with this, as discussed in a subsequent section, thisis a
major limiting factor, and pure demino design has thus become rare.

* Very high speeds can be achieved: only a rising edge delay exists, while 1., equals zero.
The inverter can be sized to match the fan-out, which is already much smaller than in the
complimentary static CMOS case, as only a single gate capacitance has to be accounted
for per fan-out gate.

Since the inputs to & domino gate are low during precharge, it is tempting to climinate the
evaluation transistor because this reduces clock lead and increases pull-down drive. However,
eliminating the evaluation device extends the precharge cycle—the precharge now has to ripple
through the logic network as well, Consider the logic network shown in Figure 6-65, where the
evaluation devices have been eliminated. If the primary input Jr| is T during evaluation, the out-
put of each dynamic gate evaleates to 4, and the output of each static inverter is 1. On the falling
edge of the clock, the precharge operation is started. Assume further that /n;, makes a high-to-
low transition. The input to the second gate is initially high, and it takes two gate delays before
In, is driven low. During that time, the second gate cannot precharge its output, as the pull-down
network is fighting the precharge device. Similarly, the third gate has to wait until the second
gate precharges before it can start precharging, ete. Therefore, the time taken to precharge the
logic circuit is equal to its critical path. Another important negative is the extra power dissipation
when both pull-up and pull-down devices are on. Therefore, it is good practice to always utilize
evaluation devices.
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Figure 6-65 Effect of ripple precharge when the evaluation transistor is removed.
The circuit also exhibits static power dissipation.

Dealing with the Noninverting Property of Domino Logic A major limitatior in dominc
togic is that only noninverting logic can be iimplemented. This requirement has limited the wide-
spread use of pure domino logic. There are several ways to deal with it, though. Figure 6-66
shows one approach te the problem—rearganizing the logic using simple boolean transforms
such as De Morgan’s Law. Unfortunately, this sort of optimization is not always possible, and
more general schemes may have to be used.

A general {but expensive) approach to sclving the problem is the use of differentiai logic.
Dual-roii domino is similar in concept to the DCVYSL structure discussed earlier, but if uses a
precharged load instead of a static cross-coupled PMOS load. Figure 6-67 shows the circuit
schematic of an AND/NAND differential logic gate. Note that all inputs come from other differ-
ential demino gates. They are low during the precharge phase, while making a conditionai 0 — 1
transition during evaluation. Using differential domino, it is possible to Implement any arbitrary
function. This comes at the expense of an increased power dissipation, since a transition is guar-
anteed every single clock cycle regardiess of the input vatues—either  or O must make a0 — 1
transition. The function of rassistors M, and 3, is to keep the circuit static when the clock is
high for extended pericds of time (bleader). Notice that this circuit is not raticed, even in the
presence of the PMOS pull-up devices! Due 1o its high performance, this differential approach is
very popular, and is used in several commercial microprocessors.

ngino AND

S —

v

oM mYuo e

|

MGy e

5@6‘1‘{ Dominc AND/CR

(z} Before logic transformation {Iy) Alter logic transformation

Figure 6-66 Restructuring logic 1o enable implementation by using noninverting doming logic.
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Optimization of Domine Logic Gates  Several optimizations can be performed on dominelogic
gates. The most obvious performance optimization involves the sizing of the transistors in the static
inverter. With the inclusion of the evaluation devices in domino circuits, all gates precharge in par-
aliel, and the precharge operation takes only two gate delays—charging the output of the dynaimic
gate to V. and driving the inverter output low. The critical path during evaluation goes through
the pull-down path of the dynamic gate and through the PMOS pull-up transistor of the static
inverter. Therefore, to speed up the circuit during evaluation, the beta ratio of the static inverter
shouid be made high so that its switching threshoid is close to V. This can be accomplished by
using a small (minimum-sized) NMOS and alarge PMOS device. The minimum-sized NMOS only
affects the precharge time, which is generally limited due to the parallel precharging of all gates.
The only disadvantage of using a large beta ratio is a reduction in noise margin. Hence, a designer
should censider reduced noise margin and performance impact simultaneously during the device
sizing.

Numerous variations of domino logic have been proposed {Bernstein98]. One optimization
that reduces area is muftiple-output domine logic. The basic concept is illustrated in Figure 6-68.
It exploits the fact that certain cutputs are subsets of other outputs to generate a number of logical
functions in a single gate. In this example, 03 = C + D is used in all three outputs, and thus it is
implemented at the bottom of the pull-down network. Since G2 equals B - O3, it can reuse the
logic for 03. Notice that the internal nodes have to be precharged to ¥, to produce the correct
results. Given that the internal nodes precharge to V., the number of devices driving precharge
devices is not reduced. However, the number of evaluation transistors is drastically reduced
because they are amortized over multiple outputs. Additionally, this approach resuits in a reduc-
tion of the fan-out factor, again due to the reuse of transistors over multiple functions.
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Figure 6-68 Multiple-output domina.

Compound domino (Figure 6-69) represents another optimization of the generic domino
gale, once again minimizing the number of transistors. Instead of each dysamic gate driving a
static inverter, it is possible to combine the cutputs of multiple dynamic gates with the aid of a
complex static CMOS gate, as shown in Figure 6-69. The outputs of three dynamic structures
{implementing 01 =A B C, 02 =D E F and 03 = G H) are combined using a single complex
CMOS static gate that implements O = (01 + 02} O3. The total legic function realized this way
SO=ABCDEF+GH.

Compound domino s a usefu] tool for constructing complex dynamic logic gates. Large
dynamic stacks are repiaced by parallel structures with small fan-in and complex CMOS gates.
For example, a large fun-in domino AND can be implemented as a set of parallel dynamic
NAND structures with lower fir-in, combined with a static NOR gate. One important consider-
ation in Compound domino is the problem associated with backzate coupling. Care must be
taken to ensure that the dynamic rodes are not affected by the coupling between the outpur of
the static gates and the output of dynamic nodes.

ap-CMOS

An alternative approach to cascading dynamic logic is provided by np-CMOS, which uses two
flavors {n-tree and p-tree) of dynamic logic, and avoids the extra static inverter in the critical
path that comes with domino logic. In a p-tree logic gate, PMOS devices are used to build a pull-
up logic network, including a PMOS evaluation transistor ({Gongalvez®3, Priedman84, Lee86]).
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Figure 6-70 The np-CMOS logic circuit style.

(see Figure 6-70), The NMOS predischarge transistor drives the output low during precharge
The output conditionally makes a 0 — [ transition during evaluation depending on its inputs.
np-CMOS logic exploits the duality between n-tree and p-tree logic gates to eliminate the
cascading problem. If the n-tree gates are controlled by CLK, and p-tree gates are controlled
using CLK, n-tree gates can directly drive p-tree gates, and vice versa. Similar to domino, n-tree
outputs must go through an inverter when connecting to another s-tree gate. During the
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precharge phase (CLK = (), the output of the n-tree gate, Out;, is charged to ¥y, while the
output of the p-tree gare, Our,, is predischarged to 0 V. Since the p-tree gate connects PMOS
pull-up devices, the PUN of the p-tree is turned off at that time, During evaluation, the output of
the n-tree gate can only make a 1 — O ransition, conditionally turning on some transistors in the
p-iree. This ensures that no accidental discharge of Out, can occur. Similarly, s-tree blocks can
follow p-tree gates without any problems, because the inputs to the s-gate are precharged to 0. A
disadvantage of the rp-CMOS logic style is that the p-tree blocks are slower than the n-ree
modules, due to the lower current drive of the PMOS transistors in the logic network. Equalizing
the propagation delays requires extra arca. Also, the lack of buffers requires that dynamic nodes
are routed between gates.

6.4 Perspectives

8.4.1 How to Choose a Logic Style?

In the preceding sections, we have discussed several gaie-implementation approaches using the
CMOS technology. Each of the circuit styles has its advantages and disadvantages. Which one to
select depends upon the primary requirement: ease of design, robustness, area, spead, or power
dissipation. No single style optimizes all these measures at the same time. Even more, the
approach of choice may vary from logic function to logic function,

The static approach has the advantage of being robust in the presence of noise. This makes
the design process rather trouble free and amenable to a high degree of automation. It is clearly
the best general-purpose logic design style. This ease of design does come at a cost: For complex
gates with a large fan-in, complementary CMOS becomes expensive in terms of area and perfor-
mance. Alternative static logic styles have therefore been devised. Pseudo-NMOS is simpie and
fast at the expense of a reduced noise margin and static power dissipation. Pass-transistor logic
is attractive for the implementation of a number cf specific circnits, such as multiplexers and
XOR-dominated logic like adders.

Dynamic logic, on the other hand, makes it possible to implement fast and small complex
gates. This comes at a price, however. Parasitic effects such as charge sharing make the design
process a precarious job. Charge leakage forces a periodic refresh, which puts a lower bound on
the operating freguency of the circuil.

The current trend is towards an increased use of complementary siatic CMOS. This ten-
dency is inspired by the mncreased use of design-automation {ools at the logic design level. These
tools emphasize optimizaticon at the logic level, rather than at the circuit level, and they put a pre-
mium on robustness. Another argoment is that static CMOS is more amenable to voltage scaling
than some of the other approaches discussed in this chapter,

6.4.2 Designing Logic for Reduced Supply Voltages

In Chapter 3, we projected that the supply voltage for CMOS processes will continue te drop
over the coming decade, and may go as low as 0.6 V by 2010. To maintain performance under
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Figure 6-71 Voltage Scaling (Vpp/Vron detay and leakage).

those conditions, it is essential that the device thresholds scale as well. Figure 6-71a shows a piot
of the (V;, V) ratio reguired to maintain a given performance level (assuming that other device
characteristics remain identical}.

This trade-off is not without penalty. Reducing the threshokd voltage increases the sub-
threshold leakage current exponentially, as we derived in Eq. (3.39) (repeated here for the sake
of clarity):

V¥ AV
Ia'ef:&agg = /10 s [1 - 10 S} {6463

In Bq. (6.46), S is the slope facior of the device. The subthreshold leakage of an mverter is the
current of the NMOS for V,, = 0V and V,,, = Vp; {or the PMOS current for V,, = Vpp, and
V,.«= 0). The exponeatial increase in inverter leakage for decreasing thresholds is iltustrated in
Figure 6-71b.

These leakage currents are a concern particularly for designs that feature intermittent com-
putational activity separated by long periods of inactivity. For example, the processor m a cellular
phone remains in idle mode for a majority of the time. While the processor is in idle mode, ideally,
the system should consume zero or near-zero power. This is only possible if leakage is low——that
is, the devices have a high threshold voltage. This is in contrast to the scaling scenario that we just
depicted, where high performance under low supply voltage means reduced threshelds. To satisfy
the contradicting requirements of high performance during active periods and low leakage during
standby, several process modifications or leakage-control techniques have been introduced in
CMOS processes. Most processes with feature sizes at or below 0.18 pm CMGS support devices
with different thresholds—typically a device with Iow threshold for high-performance circuits, and
a transistor with high threshold for feakage control. Another approach gaining popularity is the

193




8.4 Perspectives 305

dynamic control of the threshold voltage of a device by exploiting the body effect of the transistor.
Use of this approach to control individoal devices requires a dual-well process (see Figure 2-2).

Clever circuit design can also help reduce the leakage current, which is a function of the
circuit topology and the value of the inputs applied to the gate. Since V5 depends on body bias
{Vys), the subthreshold ieakage of an MOS transistor depends not only on the gate drive (Vae),
but also on the body hias. In an inverter with fn = (), the subthreshold leakage of the inverter is
set by the NMOS transistor with its Vigg = Ve =0V, In more complex CMOS gates, such as the
two-input NAND gate of Figure 6-72, the leakage current depends on the input vector. The sub-
thresheld leakage current of this gate is the least when A = B = (3, Under these conditions, the
intermediate node X settles to

Ve=V,In{l+n) (6.47)

The leakage current of the gate is then determined by the topmost NMOS transistor with Voo =
Vps = —Vy. Clearly, the subthreshold leakage under this condition is smaller than that of the
inverter. This reduction due to stacked transistors is called the stack effect. The Table in
Figure 6-72 analyzes the leakage components for the two-inpuit NAND gate under different
input conditions.

The reality is even better. In short-channel MOS transistors, the subthreshold leakage cor-
rent depends not only on the gate drive (V) and the body bias { V), but also on the drain volt-
age (Vpg). The threshold voltage of a shori-channel MOS transistor decreases with increasing
Vs due o drain-induced barrier lowering (DIBL). Typical values for DIBL can range from a
20- to a 150-m¥ change in V. per voltage change in V. Because of this, the impact of the stack
effect is even more significant for short-channel transistors. The intermediate voltage reduces the
drain—source voltage of the topmost device, increases its threshold, and thus lowers its leakage.

Example £.19 Stack Effect in Two-Input NAND Gate

Consider again the two-input NAND gate of Figure 6-723, when both ¥ jand N, aie off
{A = B =0). From the simulated load lines shown in Figure 6-72¢, we see that V), settles to
approximately 100 mV in steady state. The steady-state subthreshold leakage in the gate is
therefore due (o Viog= Vo = —100 mV and Vg = Vpp, — 100 mV, which is 20 times smaller
than the leakage of a stand-alone NMOS transistor with Vo= Vpe =0 mV and Vo=V
[Ye98).

In sum, the subthreshold leakage in complex stacked circunts can be significantly lower
than in individual devices. Observe that the maximum jeakage reduction occurs when all the
transistors in the stack are off, and the intermediate node voltage reaches its steady—state value.
Exploiting this effect requires a careful selection of the input signals to every gate during
standby or sleep mode.
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Figure 6-72 Subthreshold lsakage reduction in a two-input NAND gate
{a) due to stack effect for different input conditions (b}. Figure (¢} plots the
simulated load fnes of the gate for A= 8= 0.

Problem 6.9 Computing Vy

Bquation (6.47) calculaies the intermediate node voltage for a two-input NAND with less than 10% error,
for A = B = (. Derive Eq. (6.47) assuming {1) Vpand I of ¥, and N, are approximately equal, {2) NMQS
trapsistors are identically sized, and 3y < 1.5,

6.5 Summary

In this chapter, we have extensively zanalyzed the behavior and performance of combinational
CMOS digital circuits with regard to ares, speed, and power. We summarize the major polnts as
follows:

+ Static complementary CMOS combines dual pull-down and pull-up networks, oniy one of
which is enabled at any time.
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*» The performance of a CMOS gate is a strong function of the fan-in. Techniques to deal
with fan-in include transistor sizing, input reordering, and partitioning. The speed is also a
linear function of the fan-cut. Extra buffering is needed for large fan-outs,

« The ratived logic style consists of an active pull-down (-up) network connected to a load
device. This results in a substantial reduction in gate complexity at the expense of static
power consumption and an asymmetrical response. Careful transistor sizing is necessary
te maintain sufficient noise margins. The most popular approaches in this class are the
pseudo-NMOS technigues and differential DCVSL, which require complementary
signals.

* Pass-transistor logic implements a logic gate as a simple switch network. This results in
very simple implementations for some logic functions. Long cascades of switches are o
be avoided due to a quadratic increase in delay with respect to the number of ¢lements in
the chain. NMOS-only pass-transistor logic produces even simpler stuctures, but might
suffer from static power consumption and reduced noise margins. This problem can be
addressed by adding a level-restoring transister.

» The operation of dynamic logic is based on the storage of charge on a capacitive node and
the conditional discharging of that node as a function of the inputs. This calls for a two-
phase scheme, consisting of a precharge followed by an evaluation step. Dynamic togic
trades off noise margin for performance. k is sensitive to paragitic effects such as leakage,
charge redistribution, and clock feedthrough. Cascading dynamic gates can cause prob-
lems and thus should be addressed carefully.

» The power conswmption of a logic network is strongly related to the switching activity of
the netwaork. This activity is a function of the input siatistics, the network topology, and the
logic style. Sources of power consumption such as glitches and short-circuit currents can
be minimized by careful circuit design and transistor sizing.

» Threshold voltage scaling is required for low-voltage operation. Leakage control is critical
for low-voltage operation.

6.6 To Probe Further

The topic of (C)MOS logic styles is treated extensively in the literature. Numerous texts have
been devoted to the issve. Some of the most comprehensive treatments can be found in
['Weste93] and [Chandrakasan0l]. Regarding the intricacies of high-performance design,
[Shoji9s] and [Bernstein98] offer the most in-depth discussion of the optimization and analysis
of digital MOS circuits. The topic of power minimization is relatively new, but comprehensive
reference works are available in [Chandrakasan95], [Rabaey95}], and [Pedram(2].

Innovations in the MOS logic area are typically published in the proceedings of the ISSCC
Conference and the VLSI circuits symposium, as well as the IEEE Journal of Solid Siate
Circuits (especially the November issue}.
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DESIGN METHODOLOGY INSERT

How to Simulate Complex
Logic Circuits

Timing- and Switch-Level Simulation
Logic and Functional Simulation
Behavioral Simulation

Register-Transfer Languages

While circuit simulation in the SPICE style proves to be an extremely valuable element of the
designers tool box, it has one major deficiency. By taking into account all the peculiarities and
second-order effects of the semiconductor devices, it tends to be time consuraing. It rapidiy
becomes unwieldy when designing complex circuits, unless one is willing o spend days of com-
puter time. Bven though computers are always getting faster and simulators are getting better,
circuits are getting complex even faster. The designer can address the complexity issue by giving
up modeling accuracy and resorting to higher representation levels. A discussion of the different
abstraction levels available to the designer and their impact on simulation accuracy is the topic
of this insert.

The best way of differentiating among the myriad of simulation approaches and abstrac-
tion levels is to identify how the data and time variables are represented—as analog, continuous
variables, as discrete signals, or as abstract data models.

309
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C.1 Representing Digital Data as a Continuous Entity

Circuit Simulation and Derivatives

In Design Methodology Insert B, we established thai a circuit simulator is “digitallyagnostic,”
mearning that it is, in essence, an analog simalator. Voltage, current, and time are treated as ana-
log variables. This accurate modeling, combined with the nonlinearity of most of the devices
leads to a high overhead in simulation time.

Substantial effort has been invested to decrease the computation time at the expense of
generality. Consider an MOS digital cirenit. Due to the excellent isolation property of the MOS
gate, it is often possible to partition the circuit into a number of sections that have limited inter-
action. A possible approach is to solve each of these partiticns individually over a given period,
assuming that the inputs from other sections are known or constant, The resulting waveforms
can then be iteratively refined. This refaxaiien-based approach has the advantage of being com-
putaticnally more effective than the traditional technique by avoiding expensive mattix inver-
sions, but it is restricted to MOS circuits [WhiteB7]. When the circuit contains feedback paths,
the partitions can become large, and simulation performance degrades.

Another approach is to reduce the complexity of the transistor models used. For example,
linearization of the model leads to a dramatic reduction in the computational complexity. Yer
another approach is to employ a simplified table-lookup model. Whils this approach, by neces-
sity, leads to a decreased accuracy of the waveforms, it still allows for a good estimation of tim-
ing parameters such as propagation delay and rise and fall times. This explaing why these tools
often are calied timing sinutfators. The big advantage is in the execution speed, which can be one
or two orders of magnitude higher than that of SPICE-like tools. Another advantage is that, in
contrast to the tools that are discussed next, timing simulators still can incorporate second-order
effects such as leakage, threshold drops, and signal glitches. Examples of an offering in this
class is the NanoSim {formerly TimeMill/PowerMill) tool set from Synopsys [TimeMill]. As a
point of reference, simuelators in this class typically give up 5 to 10% in accuracy on timing
parameters, with respect to full-blown circuit simulaters.

C.2 Representing Data as a Discrete Entity

In digital circuits, we generally are noi interested in the actual value of the voltage variable, but
only in the digital value it represents. Therefore, it is possible to envision a simulator in which
data signals are either in the 0 or 1 range. Signals that do no comply with either condition are
denoted as X, or undefined.

This tertiary representation {0, 1, X} is used extensively in simulators at both the device
and gate level. By augmenting this set of allowable data values, we can obtain more detailed
information, while retaining the capability of handling complex designs. Possible extensions are
the Z-value for a tristate node in the high-impedance state, and R- and F-values for the rising and
falling wansients. Some commerciaily offered simulators provide as many as a dozen possible
signai states.

199



insert C = How to Simulate Complex Logic Circuits 311
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Figure C-1 Discretizing the time variable.

While substantial performance iimprovement is obtained by making the data representation
space discrete, similar benefits can be obiained by making time a discrete variable as well. Con-
sider the voltage waveform of Figure C-1, which represents the signal at the input of an inverter
with a switching threshold V. It is reasonable to assume that the inverter output changes iis
value one propagation delay after its input crossed V,,. When one is not strictly interested in the
exact shape of the signal waveforms, it is sufficient to evaiuate the circunit only at the interesting
time points, 1) and £,

Similarly, the interesting points of the output waveform are situated at {; + 7,,; and
fa + L,y ;- A simulator that only evaluates a gate at the time an event happens at one of its inputs
is called an evemi-driven simulator. The evaluation order is determined by putting projected
events on a time queue and processing them in a time-ordered fashion. Suppose that the wave-
form of Figure C-1 acts as the input waveform to a gate. An event is scheduled to ccour at
time #;. Upon processing that event, a new event is scheduled for the fan-out nodes at #; + 7,
and is pat on the time queue. This event-driven approach is evidently more efficient than the
time-step-driven approach of the circuit simulators. To take the impact of fan-out into account,
the propagation delay of a circuit can be expressed in terms of an intrinsic delay {7,,) and 2 load-
dependent factor (7)), and it can differ over edge transjtions:

forr = b+ L X € (C.1

The load C, can be entered in absolute terms {in pF) or as a function of the number of fan-out
gates. Observe how closely this equation tesembles the logical-effort model we introduced in the
preceding chapter.

While offering a substantial performance benefit, the preceding approach still has the dis-
advantage that events can happen any time. Another simplification could be to make the time
even more diserete and allow events to happen only at integer multiples of a unit rime variable.
An example of such an approach is the wnit-delay model, where each circuit has a single delay of
one unit. Finally, the simplest model is the zero-delay model, in which gates are assumed to be
free of delay. Under this paradizm, time proceeds from one clock event to the next. and alt
events are assumed to oceur instantancously upon arrival of a clocking event., These concepts
can be applied on a number of abstraction levels, resulting in the simulation approaches dis-
cussed next.
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Figure C-2 Switch-level model of CMOS inverter.

Switch-Level Simulation

The nonlinear nature of semiconductor devices is one of the major impediments to higher
simuiation speeds. The switch-level model [Bryant81] overcomes this hurdle by approximat-
ing the transistor behavior with a Hpear resistance whose value is a function of the operating
conditions. in the off-mode, the resistance is set to infinity, while in the on-mode, it is set to
the average “on” resistance cf the device {Figure C-2). The resulting network is a time-vari-
ant, linear network of resistors and capacitors that can be more efficiently analyzed, Evaina-
tion of the resistor network determines the steady-state values of the signals and f{ypicaily
empioys a {0, 1, X} model. For instance, if the total resistance between a node and GND is
substantially smaller than the resistance to Vpp, the node is set to the {-state. The timing of
the events can be resolved by analyzing the RC network. Simpler timing models such as the
unit-delay model are also empioyed.

Example C.1 Switch versus Circuit-Level Simulation

A four-bit adder is simulated using the switch-level simulator IRSIM ([Saiz89%]). The sim-
ulation results are plotted in Figure C-3. Initially, all inputs (/%1 and 7¥2) and the carry-
input CIN are set to 0. After 10 nsec, all inputs INZ as well as C/V are set to 1. The display
window plots the input signals, the output vector ©GUT{0-3], and the most significant out-
put bits OUTI2] and GUTT3]. The output converges to the correct value 0000 after a transi-
tion period. Notice how the data assumes only 0 and 1 levels. The glitches in the output
signals go rail to rail, although in reality they might represent only partial excursions. Dur-
ing transients, the signal is marked X, which means “undefined.” To put this result in per-
spective, Figure C-3 plots the SPICE results for the same mput vectors, Notice the partial
glitches. Also, it shows that the IRSIM timing, which is based on an £C model, is rela-
tively accurate and sufficient to get a first-order impression.
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Figure C-3 Comparison between circuit and switch-level simulations,

Gate-Level (or Logic) Simulation

Gate-level simulators use the same signal values as the switch-level tools, but the simulation prim-
itives are gates instead of transistors. This approach enables the simulation of more complex cir-
cuits at the expense of detail and generality. For example, some common VL3I structures such as
tristate busses and pass transistors are hard to deal with at this level, Since gate level is the preferred
entry level for many designers, this simulation approach remained extremsly popular until the
introduction of logic synthesis tools, which moved the focus to the functional or bebavioral
abstraction layer. The interest in logic simulation was sc great that special and expensive hardware
accelerators were developed to expedite the simulation process (e.g., [Agrawal901}.

Functional Simulation

Functional simulation can be considered as a simple extension of logic simulation, The primi-
tive elements of the input description can be of an arbitrary complexity. For instance, a simu-
lation element can be a NAND gate, a multiplier, or an SRAM memory. The functionality of
one of these complex units can be described using a modern programming language or a dedi-
cated hardware description language. For instance, the THOR simulator uses the C program-
ming language to determine the output values of 2 module as a function of its inputs [Thor88].
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The SystenC language [SystemC] uses mosi of the syntax and semantics of C, but adds a
number of constructs and data types to deal with the peculiarities of hardware design—such as
the presence of concurrency. On the other hand, VHDL (VHSIC Hardware Description Lan-
guage) [VHDLB8] is a specially developed language for the description of hardware designs.

In the structiral mode, VHDL describes a design as a connection of functional mod-
ules. Such a description often is called a neffist. For example, Figure C-4 shows a description
of a 16-bit accumulator consisting of a register and adder.

The adder and register can in turn be described as a composition of components such as
fuli-adder or register cells. An alternative approach is to use the behavioral mode of the language
that describes the functionality of the module as a set of inputfoutput relations regardless of the
chosen implementation. As an example, Figare C-5 describes how the output of the adder 1s the
two's-compiement sum of its inputs.

entity accumuiator is
port { -- definition of input and owtput terminais
DI in bit_vector{15 downta 0) ~ a vecior of 16 bit wide
DO: inout bit_vector(15 downto 0
CLK: in bit
¥

end accuimulator;

architecture structure of accumulator is
component 1eg -- dzfnition of register ports
port {
DI : in bit_vector(13 downto 0);
DG : out bit_vector{ 15 downto O);
CLEK :inbit
bX
end component;
component add -- definition of adder poris
port (
ING : in bit_vector{15 downto 0};
INT ; in bii_vector(15 downto O
OUTE - out hit_vector{ 13 downato 0)
¥
end component;
-- definition of accunnifaior siructure
stgnai X : bit_vector{15 downto 0}
begin
add! : add
port map (D, DO, X)), -- defines port connectivity
regl ireg
port map (X, DO, CLK};
end structure;

Figure C-4 Functlional description of an accumulator in VHDL.,
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entity add is
port {
IKG « in bif_vector(13 downle O)
i1 ¢ in bit_vector{15 downio O}
CUTO : cut bit_vector{ 15 downio 0}
%
end add;

architectwre behavior of add is
begin
process(INQ, INI}
variable C : bit_vector{ 16 downto 0);
variable S : bit_vector{15 downio 0);
begin
foopl:
foriin Oto 15 loop
543) == IND{I) xor INL() xor C{i);
C{i+ = INO(E) and INHE) or C() and (INGG) or INL(
end loop loopi;
QUTO <= 5;
2nd process;
eni behavior,

Figure €-5 Behavioral description of 18-bit adder.

The signal levels of the functional simulator are similar to the switch and logic levels. A
variety of timing models can be used—for exampie, the designer can describe the delay between
input and cutput signals as part of the behavioral description of a2 module. Most often the zere-
delay model is emploved, since it yields the highest simulation speed.

C.3 Using Higher-Level Data Models

When conceiving a digital system such as a compact disk player or an embedded microcontrol-
ler, the designer ravely thinks in terms of bits. Instead, she envisions data moving over busses as
integer or floating-point words, and patierns transmitted over the mstruction bus as members of
an enumerated set of instruction words {such as {ACC, RD, WR, or CLR}). Modeling a discrete
design at this level of abstraction has the distinct advantage of being more understandable, and it
also results in a substantial benefit in simulation speed. Since & 64-bit bus is now handled as a
single object, analyzing its value requires only one action instead of the 64 evaluations it for-
merly took to determine the current state of the bus at the togic level. The disadvantage of this
approach is another sacrifice of timing accuracy. Since a bus is now considered to be a single
entity, only one global delay can be annotated to it, while the delay of bus elements can vary
from bit o bit at the logic level.

It also is common to distinguish between functional {or structural) and behavioral
descriptions. In a functional-level specification, the description mirrors the intended hardware
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structure. Behavioral-level specifications only mimic the input/output functionality of a design.
Hardware delay loses its meaning, and simulations are normally performed on a per clock-cycle
(or higher) basis. For instance, the behavioral models of a microprocessor that are used to verify
the completeness and the correctness of the instruction set are performed on a per instruction
basis.

The most popular languages at this level of abstraction are the VHDL and VERILOG
hardware-description languages. VHDL allows for the introduction of user-defined data types
such as 16-bit, two's-complement words or enumerated instruction sets. Many designers tend 1
use iraditional programming approaches such as C or C++ for their first-order behavioral mod-
els. This approach has the advantage of offering more Hexibility, but it requires the user to define
all data types and fo essentially write the complete simulation scenario.

Example C.2 Behavioral-Level VHDL Description

To contrast the functional and behavioral description modes and the use of higher level
data models, consider again the example of the accumuiator (see Figure C-6). In this case,
we use a fully behavioral description that employs integer data types to describe the mod-
ule operation.

Figure C-7 shows the results of a simulation performed at this level of abstraction.
Even for this small example, the simulation performance in terms of CPU time is three
times better than what is obtained with the structural description of Figure C-4.

entity accumatiator is
port {
A :in integer;
DO : inouwt integer :=0;
CLK :inbit
k
end accumulator;

architeciure behavior of accumulator is

begin
process(CLK}
variable X : integer 1= 0; - hitermediaie variable
begin
i CLK =7]1"then
X <=D0O + D1i:
DO <= X,
end if;
end process;
end behavior:

Figure C-68 Accumulator for Example C.2.
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Figure C-7 Display of simulation rasulis for accumulator example as obtained
at the behavioral level. The WAVES dispiay tool {and VHDL simulaior} are pari
of the Synopsis VYHDL tool suite {Courtesy of Synopsys.).
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DESIGN METHODOLOGY INSERT

D

Layout Technigues for Complex Gates

Weinberger and stendard-cell layout fechnigues

Euler graph approach

In Chapter 6, we discussed in detail how to construct the schematics of complex gates and how
to size the transistors. The last step in the design process is to derive a layout for the gate or cell;
in other words, we must determine the exact shape of the varions polygons composing the gate
layout. The composition of a layout is strongly influenced by the interconnect approach. How
does the cell fit in the overall chip layout, and how daoes it communicate with neighboring cells?
Keeping these questions in mind from the start resuits in denser designs with less parasitic
capacitance.

Weinberger and Standard-Cell Layout Technigues

We now examine two important fayout approaches, although many others can be envisioned. In
the Weinberger approach [Weinberger67], the data wires (inputs and outputs) are routed (in
metal} parallel to the supply rails and perpendicular to the diffusion areas, as illustrated in
Figure D-1. Transistors are formed at the cress points of the polysilicon signal wirss {connected
to the horizontal metal wires) and the diffusion zones. The “over-the~cell” wiring approach
makes the Weinberger technique particutarly suited for bit-sliced datapaths. While it is still used
on an oceasional base, the Weinberger technique has lost its appeal over the years in favor of the
standard-cell style.

318
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Mirrored cell, sharing wel
Metall \ /}/
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Static CMOS Pseudo.NMOS
Celis

Figure D-1  The Weinberger approach for complex gale layout
(using a single metal layer).

In the standard-cell technigue, signals are routed in polysilicon perpendicular to the
power distribution {Figure I-2). This approach tends to result in a dense layout for static
CMOS gates, as the vertical polysilicon wire can serve as the input to both the NMOS and the
PMOS transistors. An example of a cell implemented using the standard-celi approach is
shewn in Figure 6-12. Interconnections between cells generally are established in so-cailed
routing channels, as demonstrated in Figure D-2. The standazd-cell approach is very popular at
present due to its high degree of antomation. {(For a detailed description of the design automa-
tion tools supperting the standard-cell approach, see Chapter 8.)

Layout Planning using the Euler Path Approach

The common use of this layout strategy makes it worth analyzing how a complex Boolean fune-
tion can be mapped efficiently onto such a structure. For density reasons, i is desirable to realize
the NMOS and PMOS transistors as an unbroken row of devices with abutting source—drain con-

Metall

Routing channel

Signals Polysilicon

Figure D-2 The standard-cell approach for complex gate layout.
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P b c
{a} Input order {a ¢ &} {by Input order {a b ¢}

Figure D-3 Stick Diagramforx={(a+ &}- ¢

nections, and with the gate connections of the corresponding NMQOS and PMOS transistors
aligned. This approach requires only a single strip of diffusion in both wells. To achieve this
goal, a careful ordering of the input terminals is necessary. This is illustrated in Figure D-3,
where the logical function x = (g + b) - ¢ is implemented. In the first version, the order {a ¢ b} is
adopted. It can easily be seen that no sclution will be found using only a single diffusion strip. A
reordering of the terminals (for instance, using {a b c}}, generates a feasible solution, as shown
in Figure D-3b. Observe that the “layouts” in Figure D-3 do not represent actual mask geome-
tries, but are rather symbaolic diagrams of the gate topologies. Wires and transistors are repre-
sented as dimensionless objects, and positioning is relative, not absolute. Such conceptuai
representations are called stick diagrams, and often ase used at the conception time of the gate,
before determining the actual dimensions. We use stick diagrams whenever we want to discuss
gate topologies or layout strategies.

Fortunately, a systematic approach has been developed to derive the permutation of the
input terminals so that complex functions can be realized by uninterrupted diffusion sirips that
minimize the area [Uehara81}. The systematic nature of the technique also has the advantage
that it is casily avtomated. It consists of the following two steps:

1. Construction of fogic graph. The logic graph of a transistor network (or a switching
function) is the graph of which the vertices are the nodes (signals) of the network, and the
edges represent the transistors, Each edge is named for the signal controiling the corre-
sponding transistor. Since the PUN and PDN networks of a static CMOS gate are dual,
their corresponding graphs are dual as well—that is, a parallel connection is replaced by a
series one and vice versa, This is demonstraied in Figure D-4, where the logic graphs for
the PDN and PUN networks of the Boolean function x = (a + b) - ¢ are overlaid (notice
that this approach can be used o derive dual networks).

. Identification of Enler paths. Anr Euler path in a graph is defined as a path through all
nodes in the graph such that each edge in the graph is only visited once. Identification of
such a path is important, because an ordering of the inputs leading to an uninterrupted dif-
fusion strip of NMOS (PMOS) transistors is possible only if there exists an Euler path in

.
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Figure B-4 Schematic diagram, logic graph, and Eulerpaths forx=(a+ b) - ¢.

the logic graph of the PDN (PUN) network. The reasoning behind this finding is as
follows:

To form an interrupted strip of diffusion, all transistors must be visited in sequence; that s,
the drain of one device is the source of the next one. This is equivalent to traversing the logic
graph along an Euler path. Be aware that Euler paths are not unique: many different solutions
may exist.

The sequence of edges in the Eunler path equals the ordering of the inpuis in the gate lay-
out. To obtain the same ordering in both the PUN and PDN networks, as is necessary if we want
to use a single poly sirip for every input signal, the Euler paths must be consiszent—that is, they
must have the same sequence.

Consistent Enler paths for the example of Figure I>-4a are shown in Figure D-4¢. The lay-
out associated with this solution is shown in Figure D-3b. An inspection of the logic diagram of
the function shows that {a ¢ 5} is an Buler path for the PUN, bot not for the PDN. A single-dif-
fusion-strip solution is, hence, nonexistent (Figure D-3a).

Example .1 Derivation of Layout Topelogy of Complex Logic Gate
As an example, et us derive the layout topology of the following logical function:
x=ab+cd
The logical function and one consistent Eunler path are shown in Figure D-5a and
Figure D-5b. The corresponding layout is shown in Figure D-5¢.
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Figure D5 Deriving the layout topology for x = {ab + cd}.

The reader should be awars that the existence of consistent Euler paths depends on the
way the Boolean expressions (and the corresponding logic graphs) are constructed. For exam-
ple, no consistent Euler paths can be foundforx =g + - ¢ + d - e, but the functionx =k - c + &
+ d - ¢ has a simple solation (confirm that this is frue by preserving the ordering of the function
when constructing the logic graphs). A restructuring of the function is sometimes necessary
before a set of consistent paths can be identified. This could lead to an exhaustive search over all
possible path combinations. Fortunately, a simple algorithm (o avoid this plight has been pro-
posed [Uehara81]. A discussion of this is beyond our scope, however, and we refer the inter-
ested reader to that text.

Finally, it is worth mentioning that the layout strategies presented are not the only possi-
bilities. For example, sometimes it might be more effective to provide multiple diffusion strips
stacked vertically. In this case, a single polysilicon input line can serve as the input for multiple
transistors. This might be beneficial for certain gate structures, such as the NXOR gate, and
therefore, case-by-case analysis is recommended.

To Probe Further

A good overview of cell-generation techniques can be found in [Rubin87, pp. 116~128]. Some
of the landmark papers in this area include the following:
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Designing Sequential Logic Circuits

Implementation technigues for registers, latches, flip-flops, oscillators, pulse generators,
and Schrit friggers

Static versus dynamic realization

Choosing clocking strategies

7.1 Introduction
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7.6  Nonbistable Ssquential Circuits
7.6.1 The Schritt Trigger
7.8.2 Monostable Sequential Circuits
7.6.3 Astable Gircuits
7.7  Perspective: Choosing a Clocking Strategy
7.8  Summary

7.5  To Probe Further

7.1 Introduction

As described earlier, combinational logic circuits have the property that the outpat of a logic
block is onkby a function of the current input values, assuming that enpough time has elapsed for
the logic gates to settle, Stll, virtualty all useful systems require storage of state information.
leading to another class of circuits called seguential logic circuits. In these circuits, the output
depends not only on the current values of the inputs, but also on preceding input values. In other
words, a sequential circuit remembers some of the past history of the system—it has memory.

Figure 7-1 shows a block diagram of a generic finfte-state machine (FSM} that consisis of
combinational logic and registers, which hold the system state. The system depicted here
belongs to the class of synchronous sequential systems, in which all registers are under control
of a single global clock. The outputs of the FSM are a function of the current /nputs and the Car-
rent State. The Next Siare is determined based on the Current State and the current fppuis and is
fed to the inputs of registers. On the rising edge of the clock, the Next Srare bits are copied teo the
outputs of the registers (after some propagation delay}, and a new cycle begins. The register then
ignores changes in the input signals until the next rising edge. In general, registers can be posi-
tive edge triggered {where the input data is copied on the rising edge of the clock) or regative
edge rriggered (where the input data is copied on the failing edge, as indicated by a small circle
at the clock input).

This chapter discusses the CMOS implementation of the most important sequential build-
ing blocks. A variety of choices in sequential primitives and clocking methodologies exist; mak-
ing the correct selection is getting increasingly important in modern digital circuits, and can

Inputy —————> = Duipris
» COMBINATHINAL

LOGIC
Current State : Next Stare

Registers

2 D=
AN
TCLK

Figure 7-1 Block diagram of a finile-stale machins, using
positive edge-friggered registers.
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have a great impact of performance, power, and/or design complexity. Before embarking on a
detailed discussion of the various design options, a review of the relevant design metrics and a
classification of the sequential elements is necessary.

7.1.1  Timing Metrics for Sequential Circuits

There are three important timing parameters associated with a register. They are shown in
Figure 7-2. The setup fime (£,,) is the time that the data inputs (D) must be valid before the clock
transition (i.e., the 0 — I transition for a positive edge-triggered register), The hold fime {1, 8
the time the data input must remain valid after the clock edge. Assuming that the setup and hold
times are met, the data at the D input is copied io the & output after a worst case propagation
delay (with reference to the clock edge} denoted by 7.

Once we know the timing information for the registers and the combinational logic
blocks, we can derive the system-level timing constraints {see Figure 7-1 for a simple system
view). In synchronous sequential circuits, switching eveuots take place concurrenily in response
to a clock stimelus. Results of operations await the next clock transitions before progressing to
the next stage. In other words, the next cycle cannot begin unless all current computations have
completed and the system has come to rest. The clock period T, at which the sequential circuit
operates, must thus accommodate the longest delay of any stage in the network. Assume that
the worst case propagation delay of the logic equals 1,,,,. while its minimum delay—alsc
called the contamination delay—is ¢, The minimum clock period T required for proper opera-
tion of the sequential cireuit is given by

T2t F fptogic + tsn 7.1}

£ i

The hold rime of the register imposes an exira constraint for proper operation, namely

fcr!rc’gf.&'f{’r + fcd'fogfc 2 rl".'t'?n’ﬁ' {?2}
CLK
; ¢ Register
Lo o D Q
D /  paia  \
X STABLE >< ? Yo
o,
: :
[
e ; ’ DATA
STABLE '
Figure 7-2 Definition of sefup time, hold tme, and propagation deifay of a synchronous
register.
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WHETe 2, ,cicre 1S the minimum propagation delay (or contamination delay) of the register. This
constraint ensures that the input data of the sequential elements is held long enough after the
clock edge and is not modified too soon by the new wave of data comning in.

As seen from Eg. (7.1}, it is important to minimize the values of the timing parameters
associated with the register, as these directly affect the rate at which a sequential circuit can be
clocked. In fact, medern high-performance systems are characterized by a very low logic depth,
and the register propagation delay and setup times account for a significant portion of the clock
period. For example, the DEC Alpha EV6 microprocessor {Gieseke97] has a2 maximum logic
depth of 12 gates, and the register overhead stands for approximately 15% of the clock peried. In
general, the requirement of Eq. (7.2} is not difficult to meet, although it becomes an issue when
there is little or no logic between registers.’

7.1.2 Classification of Memory Elements

Feoreground versus Background Memrory

At a high level, memeory is ¢lassified into background and foreground memory. Memory that is
embedded into logic is foreground memory and is most often organized as individual registers or
register banks. Large amounts of centralized memory core are referred to as background mem-
ory. Background memory, discussed in Chapter 12, achieves higher area densities through effi-
cient use of array structures and by trading off performance and robustness for size. In this
chapter, we focus on foreground memories.

Statie versus Dynamic Memory

Memeories can be either static or dvnamic, Siatic memories preserve the state as long as the
power i3 turned on. They are built by using pesitive feedback or regeneration, where the circuit
topology consists of intentional connections hetween the ouiput and the input of a combinational
circuit. Static memories are most useful when the register will not be updated for extended peri-
ods of time. Configuration data, loaded at power-up time, is a good example of static data. This
corition alse holds for most processors that use conditional clocking (i.e., gated clocks) where
the clock is turned off for unused modules. In that case, there are no guaraniees on how fre-
quently the registers will be clocked, and static memories are needed to preserve the state infor-
mation. Memory based on positive feedback falls under the class of elemesnts called
multivibrator circuits. The bistable element is its most popular representative, but other elements
such as monostable and astable circuits also are frequently used.

Dynamic memories store data for a short period of time, perhaps milliseconds. They are
based on the principle of temporary charge storage on parasitic capacitors associated with MOS
devices. As with dynamic logic, discussed earlier, the capacitors have to be refreshed periodi-
cally to compensate for charge leakage. Dynamic memories tend to be simpler, resulting in sig-
nificantly higher performance and lower power dissipation. They are most useful in datapath

10r when the elocks at different registers are somewhat aut of phase due to clock skew. We discuss this topic in
Chapier 10.
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circuits that require high performance levels and are periodically clocked. It is possible to use
dynamic circultry even when circuits are conditionally clocked, if the state can be discarded
when a module goes inte idle mode.

Latches versus Registers

A latch is an essential component in the construction of an edge-friggered register. It 1s a level-
sensitive circuit that passes the I input o the £ output when the clock signal is high. This latch
is said to be in fransparent mode. When the clock is low, the input data sampled on the falling
edge of the clock is held stable at the output for the entire phase, and the latch is In hold mode.
The inputs must be stable for a short period around the falling edge of the clock to meet setup
and hold requirements. A latch operating under these conditions is a pesitive latch. Similarly, a
sregative fafch passes the D input 1o the © output when the clock signal is low. Positive and neg-
ative latches are also called framsparent high or transparent low, respectively. The signal wave-
forms for a positive and negative latch are shown in Figure 7-3. A wide variety of static and
dynamic implementations exists for the realization of latches.

Contrary to level-sensitive laiches, edge-triggersd vegisters only sample the input on a
clock transition——that is, 0 ~» | for a positive edge-triggered register, and 1 — 0 for a negative
edge-triggered register. They are typically built to use the latch primitives of Figure 7-3. An
often-recurring configuration is the master—slave structure, that cascades a positive and negative
tatch. Registers also can be constructed by using one-shot generators of the clock signal
{“ghitch” registers), or by using other specialized stractures. Examples of these are shown later
in this chapter.

The literature on sequential ¢ircuits has been plagued by ambiguous definitions for the dif-
ferent types of storage elements {i.e., register, fiip-flop, and latch). To aveid confusion, we
achere sirictly to the following set of definitions in this book:

Positive Latch Negative Latch
in—D Q> Cur I —» D O Ow
G G
Terx $CLK
! ! i i ; i
i
clic | [ ! | clk I I

MO0 1 XXOBDO00GNG0T
Our ><:D<><><><><>O<::’><>O<><>< ou X 3000000 DO0X
/4 3 /4 i :
Otef Om Cut Ot

stable  follows In stable  follows in

Figure 7-3 Timing of positive and negative latches.
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s An edge-rriggered storage elernent is called a register;
e A larch is a level-sensitive device;
= and any bistable component, formed by the cross coupling of gates, is called a flip-flop.”

7.2 Static Latches and Registers

7.2.1 The Bistability Principle

Static memories use positive feedback to create a bistable cireuit—a circuit having two stable
states that represent O and L. The basic idea is shown in Figure 7-4a, which shows two inverters
connected in cascade along with a voltage-trapsfer characteristic typical of such a circuit. Also
plotted are the VTCs of the first inverter—that is, ¥, versus V;,—and the second inverter (¥,
versus V). The latter plot is rotated to accenteate that V, = V. Assume now that the output of
the second inverter ¥, is connected to the input of the first ¥,,, as shown by the dotted lines in
Figure 7-4a. The resulting circuit hag only three possible operation points (4, B, and C}, as dem-
onstrated on the combined YTC. It is easy to prove the validity of the following important
conjecture:

When the gain of the inverter in the transient region is larger than 1,4 and B are the
only stable operation points, and C is a metastable operation point.

Suppose that the cross-coupled inverter pair is biased at point C. A small deviation from
this bias point, possibly caused by noise, is amplified and regenerated around the circuit loop.

—

»° 5
i
:i‘_f
Vi >Cvol = Vi Dcyez _1

¥;

3
A
%
B
Vi=Va

(b)
Figure 7-4 Two cascaded inverters {a) and their VTCs (b).

yn2

O

Bt

£

Fapn
Vig=Van

2 An edge-triggered register is often referred to as a flip-flop as well. In this text, flip-fop is used to uniquely mean
bistable element.
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Figure 7-5 Metastiable versus stable cperation points.

This is 2 result of the gain aronnd the loop being larger than 1. The effect is demonstrated in
Figure 7-5a. A small deviation 8 is applied to V;; {biased in C). This deviation is amplified by the
gain of the inverter. The enlarged divergence is applied to the second inverter and amplified once
more. The bias peint moves away from C ontil one of the operation points A or B is reached. In
conclusion, C is an unstable operation point, Every deviation {even the smallest one) causes the
operation point to run away from is original bias. The chance is indeed very small that the cross-
coupled inverter pair is biased at C and stays there. Operation points with this property are
termed mietastable.

On the other hand, A and B are stable operation peints, as demonstrated in Figure 7-5b. In
these points, the loep gain is much smaller than unity. Even a rather large deviation from the
operation point reduces in sizesand disappears.

Hence, the cross coupling of two iaverters resulis in a bistable circuit——that s, a circuit
with two stable states, each corresponding to a logic state. The circuit serves as a memaory, stor-
ing either a 1 or a 0 (corresponding to positions A and 5.

In order to change the stored value, we must be able to bring the circuit from state 4 1o B
and vice versa. Since the precondition for stability is that the loop gain & is smaller than wunity,
we can achieve this by making A {or B) temporarily unstable by increasing & €c a value larger
than 1. This is generally done by applying a trigger pulse at ¥}, or V;;. For example, assume that
the system is in position A (V;; =0, V; = 13. Forcing V| to 1 causes both inverters to be on simul-
taneously for a short time and the loop gain G to be larger than 1. The positive feedback regener-
ates the effect of the trigger pulse, and the circuit moves to the other state (B, in this case). The
width of the trigger pulse need be only a little larger than the total propagation delay around the
circuit foop, which is twice the average propagation delay of the inverters.

In summary, a bistable circuit has two stable states. in absence of any triggering, the cir-
ciit remains in a single state (assuming that the power supply remains applied to the circuit) and
thus remembers a value. Another commen name for a bistable circuit is fip-flop. A flip-flop is
useful only if there also exists a means to bring it from one state (o the other one. In general, two
different approaches may be vused 1o accomplish the following:
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* Cutting the feedback loop. Once the feedback loop is open, a new value can easily be
written into CGur (or Q). Such a latch is called multiplexer based, as it realizes that the logic
expression for a synchronous latch is identieal to the multiplexer equation:

O =Clk-Q+Cik-in (7.3)

This approach is the most popular in today’s latches, and thus forms the bulk of this
section.

« Overpowering the feedback leop. By applying a trigger signal at the input of the flip-
flop, a new value is forced into the cell by overpowering the stored value. A careful sizing
of the transistors in the feedback loop and the input circuitry is necessary to make this pos-
sible. A weak trigger network may net succeed in overruling a strong feedback loop. This
approach used o be in vogue in the eariier days of digital design, but has gradually fallen
out of favor. It is, however, the dominant approach to the implementation of static back-
ground memories (which we discuss more fully in Chapter 12}. A short intreduction will
be given later in the chapter.

7.2.2 Multiplexer-Based Latches

The most robust and common technigue to build a latch involves the use of transmission-gate
multiplexers. Figure 7-6 shows an implementation of positive and negative static laiches based
on multiplexers. For a negative latch, input 0 of the maltiplexer is selected when the clock is iow,
and the [ input is passed to the output. When the clock signal is high, input 1 of the maltiplexer,
which connects to the output of the latch, is selected. The feedback ensures a stable output as
long as the clock is high. Similarly in the positive latch, the D input is selected when the clock
signal is high, and the output is held (using feedback) when the clock signal is low,

A transistor-level implementation of a positive latch based on multiplexers is shown in
Figure 7-7. When CLK is high, the bottom transmission gate is on and the lateh is transparent—
that is, the D input is copied to the {3 output. During this phase, the feedback loop is open, since
the top transmission gate is off. Sizing of the transistors therefore is not critical for realizing cor-
rect functionality. The number of transistors that the clock drives is an important metric from a
power perspective, because the clock has an activity factor of 1. This particular latch implemen-

Negalive tatch Positive latch

Y
B
¥

)
o

D-———-b—E{’ D—il

CLK CLK
Figure 7-6 WNagative and positive latches based on multiplexers.
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Figure 7-7 Transistor-level implementation of & positive latch
built by using transmission gates.
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{a} Schematic diagram {b) Non overlapping clocks

Figure 7-8 Multiplexer-based NMOS latch by using NMOS-oniy pass transistors
for multiplexers.

tation is not very efficient from this perspective: i presents a load of four transistors to the CLK
signal.

It is possible to reduce the clock load fo two transistors by implementing multiplexers that
use as NMOS-cnly pass fransistors, as shown in Figure 7-8. When CLX is high, the latch sam-
ples the 2 input, while a low clock signal enables the feedback loop, and puts the latch in the
hold mede. While attractive for its simplicity, the use of NMOS-only pass transistors resulis in
the passing of a degraded high voltage of V5 — V5, to the input of the first inverter. This impacts
both neise margin and the switching performance, especially in the case of low values of Vjy,
and high values of V. It also causes static power dissipation in the first inverter, becavse the
maximum fnput voltage 0 the inverter equals Vn— Vi, and the PMOS device of the inverter is
never fully turned off.

7.2.3 Master—Slave Edge-Triggered Register

The most common approach for constructing an edge-rriggered register is to use a master—siave
configuration, as shown in Figure 7-9. The register consists of cascading a negative latch {master
stage} with a positive one (slave stage). A nwltiplexer-based latch is used in this particular
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Figure 7-9 Positive edge-triggared register based on a master—siave configuration.

implementation, although any laich could be used. On the low phase of the clock, the master
stage is transparent, and the D input is passed to the master stage output, @,,. During this period,
the slave stage is in the hold mode, keeping its previous value by using feedback. On the rising
edge of the clock, the master stage stops sampling the input, and the slave stage starts sampling.
During the high phase of the clock, the slave stage samples the output of the master stage (O,
while the master stage remains in a hold mode. Since {,, is constant during the high phase of the
clock, the cutput O makes only one transition per cycle. The value of @ is the value of D right
before the rising edge of the clock, achieving the positive edge-triggered effect. A negative edge-
triggered register can be constructed by using the same principle by simply switching the order
of the positive and negative latches {i.e., placing the positive latch first).

A complete ransistor-level implementation of the master—slave positive edge-triggered
register is shown in Figure 7-10. The multiplexer is implemented by using transmission gates as
discussed in the previous section. When the clock is low (CLX = 1), T, is on and 75 is off, and
the D input is sampled onto node Q,,. During this period, T, and T, are off and on, respectively.
The cross-coupled inverters (f5, I;) hold the state of the slave latch. When the clock goes high,
the master stage stops sampling the input and goes into a hold mode. T is off and 77, is on, and
the cross-coupled inverters 7, and F, hold the state of 0,, Also. T ison and T 35 off, and Oy, is
copied to the output &,
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Figure 7-10 Master—slave positive edge-triggered register, using multiplexers,
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Problem 7.1 Optimization of the Master—Slave Register

It is possible to remove the inverters f; and /; from Figure 7-10 without loss of functionality. Is there any
advantage to including these inverters in the implementation?

Timing Properties of Multiplexer-Based Master—Siave Registers

Registers are characterized by three important timing parameters: the setup time, the hold time
and the propagation delay. It is important (o understand the factors that affect these timing
parameters and develop the intuition to manually estimate them. Assume that the propagation
delay of each inverter is f,,, ;,., and the propagation delay of the transmission gate is 7,; .. Also
assume that the contamination delay is 0, and that inverter, deriving CLK from CLK, has 2 delay
of 0 as well.

The setup time is the time before the rising edge of the clock that the input data D must be
valid. This is simzlar {o asking the question, how long before the rising edge of the clock must
the I input be stable such that O,, samples the value reliably? For the transmission gate multi-
plexer-based register, the input 22 has to propagate through /,, T, £, and 7, before the rising edge
of the clock. This ensures that the node voltages on both terminals of the transmission gate T,
are at the same value. Otherwise, it is possible for the cross-coupled pair 7, and /5 to settle to an
incorrect value. The setup time is therefore equal to 3 X £, ;0 + 7,y

The propagation deiay is the time it takes for the value of Q10 propagate to the output 1.
Note that, since we included the delay of /; In the setup time, the output of [, is valid before the
rising edge of the clock. Therefore, the delay ¢._, is simply the delay through 75 and [ {#,_, =
! B ax + ‘i;m’_s}nv)

The hold time represents the time that the input must be held stable after the rising adge of
the clock. In this case, the transmission gate T turns off when the clock goes high. Since both
the D imput and the CLK pass through inverters before reaching T, any changes in the input
after the clock goes high do not affect the output. Therefore, the hold time is 0,

Example 7.1 Timing Analysis, Using SPICE

To obtain the setup time of the register while using SPICE, we progressively skew the
input with respect o the clock edge until the circuit fails. Figure 7-11 shows the setup-
time simulation assuming a skew of 210 ps and 200 ps. For the 210 ps case, the correct
value of input [ is sampled (in this case, the O outpnt remains at the value of V). For a
skew of 200 ps, an incorrect value propagaies to the cutput, as the £ output transitions to
. Node (J,; starts o go high, and the output of 75 {the input to transmission gate T} starts
to fall. However, the clock is enabled before the two nodes across the transmission gate T,
settie to the same value. This resulfs in an incorrect value being written info the master
latch. The setup time for this register is 210 ps.

In a similar fashion, the hold time can be simulated. The D-input edge is once again
skewed relative 1o the clock signal until the circuit stops functioning. For this design, the
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Figure 7-11  Setup time simulation.

hold time is O (i.e., the inputs can be changed on the clock edge}. Finally, for the propaga-
tion delay, the inputs transition at least one setup time before the rising edge of the clock,
and the delay is measured from the 50% point of the CZK edge to the 50% point of the ¢
output, From this simulation (Figure 7-12), £,_ ., was 160 ps, and #,_ ., Was 180 ps.

Yolts

fe~Yghly

G 03 1 i3 2 25
TFime {ns)

Figure 7-12  Simulation of propagation delay of transmission gate regisier.

The drawback of the transmission-gate register is the high capacitive load presented to the clock
signal. The clock load per register is important, since it directly impacts the power dissipation of
the clock network. Ignoring the overhead required to invert the clock signal—since the inverter
overhead can be amortized over multiple register bits—each register has a clock load of eight
transistors. One approach to reduce the clock load at the cost of robustness is to make the circuit
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Figure 7-14  Reverse conduction possible in the transmission gate.

ratioed. Figure 7-13 shows that the feedback transmission gate can be eliminated by directly
cross-coupling the inverters.

The penalty paid for the reducted in clock load is an increased design complexity. The
transmission gate (7)) and ifs source driver must overpower the feedback inverter {J;) to switch
the state of the cross-coupled inverter, The sizing requirements for the transmission gates can be
derived by using an analysis similar to the one used for the sizing of the level-restoring device in
Chapter 6. The input to the inverter /, must be brought below its switching thresheold in order to
make a iransition. If minimum-sized devices are to be used in the transmission gates, it is essen-
tial that the fransistors of inverter f; should be made even weaker. This can be accomplished by
making their channel lengths larger than minimum. Using minimum or close-to-minimum size
devices in the transmission gates is desirable to reduce the power dissipation in the latches and
the clock distribation network.

Another problem with this scheme is reverse conduction—the second stage can affect the
state of the first latch, When the slave stage is on (Figure 7-14), it is possibie for the combination
of T, and [, to influence the data stored in the I/, latch. As long as I, is 2 weak device, this for-
tunately not a maior problem.

Non-Ideal Clock Signals

So far, we have assumed that CLK is a perfect inversion of CLK, or in other words, that the delay
of the generating inverter is zerc. Even if this were possible, this stifl would not be a good
assumption. Variaiions can exist in the wires used to route the two clock signals, or the load
capacitances can vary based on data stored in the connecting laiches. This effect, known as clock
skew, 15 a major problem, causing the two clock signals o overlap, as shown in Figure 7-15b.
Clock overlap can cause two types of failures, which we iHlustrate for the NMOS-only negative
master—slave register of Figure 7-15a.
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Figure 7-15 Master—slave register based on NMOS-oniy pass transistors.

1. When the clock goes high, the slave stage should stop sampling the master stage output
and go into 2 hold mede. However, since CLK and CLX are both high for a short peried of
time (the overlap period), both sampling pass transistors conduct, and there is a direct paih
from the D input to the O output. As a resuli, data at the output can change on the rising
edge of the clock, which is undesired for a negative edge-triggered register. This is known
as a race condition in which the value of the output Q is a function of whether the input D
arrives at node X before or after the failing edge of CLK. If node X is sampled in the meta-
stable state, the output will switch to a value determined by noise in the system.

2. The primary advantage of the multiplexer-based register is that the feedback loop is open
during the sampling period, and therefote the sizing of the devices is not critical o func-
tionality. However, if there s clock overlap between CLK and CLK, node A can be driven
by both D and B, resulting in an undefined state.

These problems can be avoided by using two ronoverlapping clocks instead, PHI, and
PHI, (Figure 7-16), and by keeping the nonoverlap time £, .1, between the clocks large
enough so that no overlap occurs even in the presence of clock-routing delays. During the non-
overlap time, the FF is in the high-impedance state—the feedback loop is open, the loop gain is
zero, and the input is disconnected. Leakage will destroy the state if this condition holds for too
long—hence the name pseudostatic: The register employs a combination of static and dynamic
storage approaches, depending upon the state of the clock.
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Figure 7-16 Pseudosiatic two-phase D register.

Problem 7.2 Generating Nonoverlapping Clocks

Figure 7-17 shows one possible implementation of the clock generation circuitry for generating a two-
phase nonoverlapping clock. Assuming that each gate has 4 unit gate delay, derive the timing relationship
between the input clock and the two output clocks. What is the nonoverlap period? How can this period be
increased if needed?

PHIL

CLK

PHI,

Figure 7-17 Circuitry for generating a two-phase nonoverlapping ciock.

7.2.4 Low-Voliage Static Laiches

The scaling of supply voltages is critical for low-power operation. Unfortunately, certain laich
structures do not function at reduced supply voltages. For examptle, without the scaling of device
thresholds, NMOS-only pass transistors (e.g., Figure 7-16) don’t scale well with supply voltage

228



346 Chapter 7 = Designing Sequential Logic Circuits

due to its inherent threshold drop. At very low power supply voltages, the input to the inverter
cannot be raised above the switching thieshold, resulting in incorrect evaluation. Even with the
nse of gansmisston gates, performance degrades significantly at reduced supply voltages.

Scaling to low supply voltages thus requires the use of reduced threshold devices. How-
ever, this has the negative effest of exponentially increasing the subthreshold leakage power (as
discussed in Chapter 6). When the registers are constantly accessed, the leakage energy typically
is insignificant compared with the switching power. However, with the use of conditional clocks,
it is possible that registers are idle for extended periods, and the leakage engrgy expended by
registers can be quite significant.

Many solutions are being explored to address the problem of high leakage during idle peri-
ods. One approach involves the use of Muliiple Threshold devices, as shown in Figure 7-18
[Mutoh93]. Only the negative latch is shown. The shaded inverters and transmission gates are
implemented in low-threshold devices. The low-threshold inverters are gated by using high-
threshold devices to eliminate leakage.

During the normal mode of operation, the sleep devices are turned on. When the clock is
low, the D input is sampled and propagates to the output. The latch is in the hold mode when the
clock is high. The feedback transmission gate conducts and the cross-coupled feedback is
enabled, An extra inverter, in parallel with the low-threshold one, is added to store the state when
the latch is in idle (or sieep) mode. Then, the high-threshold devices in series with the low-thresh-
old inverter are turned off (the SLEEP signal is high), climinating leakage. It is assumed that clock

Voo

SLEEP igh V; - Eigh Ve

ot 0

Figure 7-18 Solving the leakage problem, using muliiple-threshold CMOS.
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is held high when the latch is in the sleep state. The feedback low-threshold transmission gate is
turned on and the cross-coupled high-threshold devices maimtain the state of the latch.

Problem 7.3 ‘Transistor Minimization in the MTCMOS Register

Unlike eombinational logic, both NMOS and PMOS high-threshold devices are required 10 eliminate the
leakage in low-threshold latches. Explain why this is the case,

Hint: Bliminate the high-V, NMOS or high-V, PMOS of the iow-threshofd inverter on the right of
Figure 7-18, and investigate potential leakage paths.

7.2.5 Siatic SR Flip-Flops—Writing Data by Pure Force

The traditional way of causing 2 bistable element to change state is to overpower the feedback
loop. The simplest incarnation accomplishing this is the weli-known SR, or ser-reset, flip-flop, an
immplementation of which is shown in Figure 7-19a. This circuit is similar to the cross-coupled
inverter pair with NOR gates replacing the inverters. The second input of the NOR gates is con-
nected to the trigger inputs (S and R) that make it possibie to force the outputs ( and Q to a given
state. These outputs are complimentary {except for the SR = 1| state). When both § and R are ),
the flip-flop is i1 a quiescent state and both outputs retain their values. (A NOR gate with one of
itg inputs being O looks like an inverter, and the structure looks like a cross-coupled inverter) If a
positive {or 1) pulse is applied to the § input, the Q output is forced into the 1 state {with O going
to () and vice versa: A 1-pulse on R resets the flip-flop, and the ¢ cutput goes to 0.

These results are summarized in the characteristic rable of the flip-flop, shown in
Figure 7-19¢. The characteristic table is the truth table of the gate and lsts the cutput staies as
functions of all possible input conditions. When both § and R are high, both Q and O are forced
to zero. Since this does not correspond with our constraint that & and O must be complementary,
this input mode is considered forbidden. An additional problem with this condition is that when
the input triggers return to their zero levels, the resulting state of the lateh is unpredictable, and
depends on whatever input is last to go low. Finally, Figure 7-19b shows the schematic symbol
of the SR flip-flop.

S R g o
B o—— 0 0 g 7]

R o 1 it 1 G

0 i G i

HE 0 0 |
/
Forbiddes State
(a) Schematic diagram {b} Logic symbol (c} Characteristic table

Figure 7-19 NOR-based SR fiip-fiop.
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Problem 7.4 SR Flip-Fiop, Using NAND Gates

An SR flip-flop can also be implemented by using a cross-coupted NAND structure, as shown in
Figure 7-20. Drerive the truth table for a such an implementation.

s 0

&

R —
Figure 7-20 NAND-based SR flip-fiop.

The SR flip-flop shown so far is purely asynchronous, which does not match well with the
synchronous design methodology, the preferred strategy for more than 99% of today’s integrated
cireuits. A clocked version of the laich is shown in Figure 7-21. It consists of a cross-coupled
inverter pair, plus four extra transistors to drive the flip-flop from one state to another, and to pro-
vide synchronization, In steady state, one inverter resides in the high state, while the other one is
low. No static paths between V,, and GND exist. Transistor sizing is, however, essential to
ensure that the flip-flop can transition from one state to the other when requested.
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Figure 7-21 Raticed CMOS SA latch.

Example 7.2 Transistor Sizing of Clocked SR Latch

Consider the case in which € is high and an R pulse is applied. In order to make the
latch switch, we must succeed in bringing @ below the switching threshold of the
inverter M|—M,. Once this is achieved, the positive feedback causes the flip-flop to
invert states. This requirement forces us to increase the sizes of transistors My, Mg, M,
and Mg. The combination of transistors M, M, and M; forms a raticed inverter.
Assume that the cross-coupled inverter pair is designed such that the inverter threshold
V,, is located at Vp,/2. For a 0.25-um CMOS technology, the following transistor sizes
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7.2 Static Latches and Registers 343

were selected: (W/L),, = (W/ L}M = {05 umAD.25 umy, and W/ L)W = (W/L)y,
= (1.5 um/0.25 um). Assuming Q = 0, we determine the minimum sizes of My, M, M,,
and M to make the device switchable.

To switch the latch from the O =0to the O = | state, it is essential that the low level
of the ratioed, psendo-NMOS inverter (M;—M;)—W, be below the switching threshold of
the tnverter M;—M that equals Vi,p/2. It is reasonable to assume that as long as Vg > V),
V¥, equals 0 and the gate of transistor M, is grounded. The boundary conditions on the
transistor sizes can be derived by equating the currents in the inverter for Vg = Vpp/2, as
given in Eq. (7.4} (this ignores channel-length modulation}. The currents are determined
by the saturation current, since Vg = Vpp = 2.5V and V), = 1.25 V. We assume that ¥/, and
M have identical sizes and that W/L; ¢ is the effective ratio of the series-connected
devices. Under this condition, the pull-down network can be modeled by a single transis-
tor M._, whose tength is twice the length of the individual devices:

W V%SATH
k f;( L} ({ VDD - y?‘u) VﬁSA?’n - 9 )

(1.4}

W Visar,
—k ;;(sz(( VDE} |4 Tp)VBSATﬁ _25—3)

Using the parameters for the 8.25-um process, Eq. (7.4} resuits in the constraint that
the effective (W/ L}, 2 2.26. This implies that the individual device ratio for M or Mg
rust be larger than approximately 4.5. Figure 7-22a shows the DC piot of Vi as a function
of the individual device sizes of M, and M. We notice that the individual device ratio of
greater than 3 is sufficient fo bring the 0 voliage to the inverter switching threshold. The
difference between the manual analysis and simuiation arises from second-order effects

20 e 3
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Figure 7-22 Sizing issues for SR flip-flop. (8) DC output voltage versus pull-down device
size Mg (with WL, = 1.5 um/0.25 um). (b} Transient response showing that M; and M
must each have a WL larger than 3 to switch the SR flipflop.
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such as channel length modulation and DIBL. Figure 7-22b plots the transient respanse
for different device sizes and confirms that an individual W/L ratio of greater than 3 is
required to overpower the feedback and switch the state of the latch.

7.3 Dynamic Laiches and Registers

Storage in a static sequential circuit relies on the concept that a cross-coupled inverter pair pro-
duces a bistable element and can thus be used to memorize binary values. This approach has the
useful property that a stored value remains valid as Jong as the supply voltage is applied to the
circuit—hence the name static. The major disadvantage of the static gate, however, is its com-
plexity. When registers are used in computational structures that are constantly clocked (such as
a pipelined datapath), the requirement that the memory should hold state for extended periods of
time can be significantly relaxed.

This results in a class of circuits based on temporary storage of charge on parasitic capaci-
tors. The principle is exactly identical to the one used in dynamic logic—charge stored on a
capacitor can be used to represent a logic signal. The absence of charge denotes a §, while its
presence stands for a stored 1. No capacitor is ideal, unfortunately, and some charge leakage is
always present. A stoged vajue can thus only be kept for a limited amount of time, typicaliy in
the range of milliseconds. If one wants to preserve signal integrity, a periodic refresh of the value
is necessary; hence, the name dynamic storage. Reading the value of the stored signal from a
capacitor without disrupting the charge requires the availability of a device with a high-input
impedance.

7.3.4  Dynamic Transmission-Gate Edge-Triggered Registers

A Ffully dynamic positive edge-triggered register based on the master—siave concept is shown in
Figure 7-23. When CLK = 0, the input data is sampled on storage node 1, which has an equiva-
lent capacitance of C,, consisting of the gate capacitance of /,, the junction capacitance of 7y,
and the overlap gate capacitanece of 7',. During this period, the slave stage is in a hold mode, with
node 2 in a high-impedance {fioating) state. On the rising edge of clock, the iransmission gate 7,
turns on, and the value sampled on node I right before the rising edge propagates to the sutput @
(ncte that node 1 is stable during the high phase of the clock, since the first transmission gate is

CLK CLK

& 4

A B
p—rnf e [>e—o
i J_Cz 1 2 ,_i_(’:,, 3

T L T 1

CLE = Cik ~©

Figure 7-23 Dynamic edge-triggered register.
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7.3 Dynamic Latches and Registers 345

turned off). Node 2 now stores the inverted version of node 1. This implementation of an edge-
triggered register is very efficient becaunse it requires only eight transistors. The sampling
switches can be implemented using NMOS-only pass transistors, resulting in an even simpler
six transistor implementation. The reduced transistor count is attractive for high-performance
and low-power systems.

The setup time of this circuit is stmply the delay of the transmission gate, and it corre-
sponds to the time it takes node 1 to sample the D input. The hold time is approximately zero,
since the transmission gate is furned off on the clock edge and further inputs changes are
ignored. The propagation delay {z._ ) is equal to two inverter delays plus the delay of the trans-
mission gate 7.

Cne Important consideration for such a dynamic register is that the storage nodes {i.e., the
state) have to be refreshed at periodic intervals to prevent
losses due fo charge leakage, diode leakage, or subthreshold currents. In datapath circuits, the
refresh rate is not an issue, since the registers are periodically clocked, and the storage nodes are
constanily updated.

Clock overlap is an important concern for this register. Consider the clock waveforms
shown ia Figure 7-24. During the 0-0 overlap pericd, the NMOS of T, and the PMOS of 7, are
simultaneously on, creating a direct path for data to flow from the D input of the register to the &
output. In other words, a race cordition occurs. The output ¢ can change on the falling edge if
the overlap pericd is large—obviously an undesirable effect for a positive edge-triggered regis-
ter. The same is true for the 11 overlap region, where an input-output path exists through the
PMOS of T and the NMOS of T5. The latter case is taken care of by enforcing a sold time con-
steaint, That is, the data must be stable during the high-overlap period. The former situation (0-0
overlap} can be addressed by making sure that there is enough delay between the D input and
nede B, easuring that new data sampled by the master stage does not propagate through to the
slave stage. Generally, the buili-in single mverter delay should be sufficient. The overlap pericd
constraint is given by

—4

zoxferfap!3~§ Sty i iy (75)

Similarly, the constraint for the 1-1 overlap is given as:

Lrata 7 Lovertap-1 (1.6)
rrsmmemmed 1{(3,(0) overiap
CLK N
{1,1}) overiap
e
J— A
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Figure 7-24 [mpact of nonoverlapping clocks.
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WARNING: The dynamic circuits shown in this section are very appealing from the perspec-
tive of compiexity, performance, and power. Unfortunately, robustness considerations limit their
use. In a fully dynamic circuit like that shown in Figure 7-23, a signal net that is capacitively
coupled to the internal storage node can inject significant noise and destroy the state. This is
especially important in ASIC flows, where there is little control over coupling between signal
nets and internal dynamic nodes. Leakage currents cause another problem: Most modern proces-
sors require that the clock can be slowed down or completely halted, to conserve power in low-
activity periods. Finally, the internal dynamic nodes do not track variations in power supply volt-
age. For example, when CLK is high for the circuit in Figure 7-23, node A holds its state, but it
does not track variations in the power supply seen by /,. This results in reduced noise margins.
Most of these problems can be adequately addressed by adding a weak feedback inverter
and making the circuit pseudostatic (Figure 7-25). While this comes at a slight cost in delay, it
improves the noise fmmunity significantly. Unless registers are used in a highly-controlled envi-
ronment (for instance, a custom-designed high-performance datapath), they should be made
pseudostatic or static. This holds for all latches and registers discussed in this section.

CLK

b

D _L-Ll>c-b“
71l
CIK

Figure 7-25 Making a dynamic latch pseudostatic.

7.3.2 C2MOS—A Clock-Skew Insensitive Approach

The C*MOS Register

Figure 7-26 shows an ingenious positive edge-triggered register that is based on a master—slave
concept insensitive to clock overlap. This circuit is called the C*MOS (Clocked CMOS) register
{Suzuki73], and operates in iwo phases:

1. CLK = 0 (CLE = 1): The first tristate driver is turned on, and the master stage acts as an
inverter sampling the inverted version of D on the internal node X. The master siage is in
the evaluation mode, Meanwhile, the slave section is in a high-impedance mode, or in 2
hold mode. Both transistors M, and M are off, decoupling the output from the input. The
cutput Q retains its previous value stored on the output capacitor Cp,.

2. The roles are reversed when CLK = 1: The master stage section is in hold mode (M;-M,
off), while the second section evaluates {M,—M; on). The value stored on Cp; propagates
10 the cutput node through the slave stage, which acts as an inverter.

The overall circuit operates as a positive edge-triggered master—slave register very similar
tothe ransmission-gate-based register presented earlier. However, there isan important difference:
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Figure 7-26 C2MOS master—slave positive edge-triggered register.

A CPMOS register with CLE-CLK clocking is insensitive to overlap, as long as the
rise and fall times of the clock edges are sufficiently smali.

T prove this statement, we examine both the (00} and (1-1} overlap cases {see Figure 7-24).
In the {6-0) overlap case, the circuit simplifies to the network shown in Figure 7-27a in which
both PMOS devices are on during this period. To operate correctly, none of the new data sam-
pled during the overlap window should propagate to the output O, since data should not change
on the negative edge of a positive edge-triggered register. Indeed, new data is sampied on node X
through the series PMOS devices M,—#,, and node X can make a 0-to-1 fransition during the
overlap period. However, this data cannot propagate to the output since the NMOS device M is
turned off. At the end of the overlap period, CLK = | and both 3 and A, turn off, putting the
slave stage in the hold mode, Therefore, any new data sampled on the falling clock edge is not
seen at the slave output @, since the slave state is off till the next rising edge of the clock. As the
circuit consists of a cascade of inverters, signal propagation requires one pull-up followed by a
pull-down, or vice versa, which is not feasible in the situation presented.

The {1-1} overlap case where both NMOS devices A, and M, are turned on, is somewhat
more contenticus {see Figure 7-27b). The question is again if new data sampled during the over-
lap period {right after clock goes high) propagates to the Q output. A positive edge-triggered reg-
ister may only pass data that is presented at the input before the rising edge. I the D input
changes during the overlap period, node X can make a I-to-0 transition, but cannot propagate
further. However, as soon as the overlap period is over, the PMOS M, turns on and the O propa-
gates tooutput, which is not desirable. The problem is fixed by imposing a hold-time consiraint
on the input data, I; or, in other words, the data I should be stable during the overlap period.

In sum, it can be stated that the C2MOS latch is insensitive to clock overlaps because those
overlaps activate either the pull-up or the pull-down networks of the latches, but never both of
them simultanecusly. If the rise and fall times of the clock are sufficiently slow, however, there
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Figure 7-27 C2MOS O FF during overlap periods. No feasible signal path can exist
between fnand D, as illustrated by the arrows.

exists a time slot where both the NMOS and PMOS transistors are conducting. This creates a
path between input and output that can destroy the state of the circuit. Simulations have shown
that the circuit operates correctly as long as the clock rise time (or fall time) is smaller thaa
approximately five fimes the propagation delay of the register. This criterion is not too stringent,
and it is easily met in practical designs. The impact of the rise and fall times is illusirated in
Figure 7-28, which plots the simulated transient response of a C2MOS D FF for clock slopes of,
respectively, 0.1 and 3 ns. For slow clocks, the potential for a race condition exists.
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Figure 7-28 Transient response of C2MiOS FF for 0.1-ns
and 3-ns clock rise/fall times, assuming in=1.
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Pual-Edge Registers

So far, we have focused on edge-triggered registers that sample the input data on enly one of the
clock edges (rising or falling). }r also is possible to design sequential circuits that sample
the input on both edges. The advantage of this scheme is that a lower frequency clock—half the
original rate—is distributed for the same functional throughput, resulting in power savings in the
clock distribution network. Figure 7-29 shows a modification of the C*MOS register enabling
sampling on both edges. It consists of two parallel master—slave edge-triggered registers, whose
outputs are multiplexed by using tristate drivers.

When clock is high, the pesitive latch composed of transistors M,-M, is sampling the
inverted 7 input on node X. Node Y is held stable, since devices M, and M, are turned off. On
the falling edge of the clock, the top slave latch Mc—M, turns on, and drives the inverted value of
X to the Q output. During the low phase, the bottom master latch (M|, M, My, M) is turned on,
sampling the inverted I input on node ¥, Note that the devices M, and M, are reused, reducing
the load on the D input. On the rising edge, the bottom slave Iatch conducts and drives the
inverted version of ¥ on node . Data thus changes on both edges. Note that the slave latches
operate in a complementary fashion—that is, only one of them is turned on during each phase of
the clock.

CLK—Ci My CLE Mz
CWLK—I M, CLE My

mo L[,

Figure 7-20 C®MOS-based dual-edge triggered register.
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Problem 7.5 Dual-Edge Registers

Determine how the adoption of dual-edge registers influences the power dissipation in the clock-
distribution network.

7.3.3 True Single-Phase Clocked Register (TSPCR})

In the two-phase clocking schemes described earlier, care must be taken in routing the two clock
signals to ensere that overlap is minimized, While the C*MOS provides a skew-tolerant solution,
it is possible to design registers that only use a single phase clock. The True Single-Phase
Clocked Register (ISPCRY}, proposed by Yuan and Svensson, uses a single clock [Yuan89]. The
basic single-phase positive and negative latches are shown in Figure 7-30. For the positive latch,
when CLK is high, the latch is in the transparent mode and corresponds to two cascaded invert-
ers; the latch is noninverting, and propagates the input to the output. On the other hand, when
CLX =0, both inverters are disabled, and the latch is in hold mode. Only the pull-up networks
are still active, while the pull-down circuits are deactivated. As a result of the dual-siage
approach, no signal can ever propagate from the input of the latch to the output in this mode. A
register can be constructed by cascading positive and negative latches. The clock load is similar
to a conventional transmission gate register, or C2MOS register. The main advantage is the use
of a single clock phase. The disadvantage is the slight increase in the number of transistors—I12
transistors are now required.

As a reminder, note that a dynamic circuit in the style of Figure 7-30 must be used with
caution. When the clock is low (for the positive latch), the output node may be floating, and it is
exposed to coupling from other signals. Also, charge sharing can occer if the output node drives
transmission gates. Dynamic nodes should be isolated with the aid of static inverters, or made
pseudostatic for improved noise inmumnity.

As with many other latch families, TSPC offers an additional advantage that we have not
explored so far: The possibility of embedding logic functionality into the latches. This reduces
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Figure 7-30 True Single-Phase Lalches.
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(a} Including logic into the latch {b} AND latch
Figure 7-31 Adding logic to the TSPC approach.

the delay overhead associated with the latches. Figure 7-31a outlines the basic approach for
embedding logic, while Figure 7-31b shows an example of a positive latch that implements the
AND of Iz, and /n, in addition 1o performing the latching function. While the setup time of this
tatch has increased over the one shown in Figure 7-30, the overall performance of the digital cir-
cuit (that is, the clock peried of a sequential circuit) has improved: The increase in setup time
typicaily is smaller than the delay of an AND gate. This approach of embedding logic into
fatches has been used extensively in the design of the EV4 DEC Alpha microprocessor
[Dobberpuhi®2} and many other high-performance processors.

Example 7.3 Impact of Embedding Logic into Latches on Performance

Consider embedding an AND gate into the TSPC latch, as shown in Figure 7-31b. In a
0.25-1m technology, the setup time of such a circuit, using minimum-size devices is 140
ps. A conventional approach, composed of an AND gate followed by a positive latch, has
an effective setup time of 600 ps (we treat the AND plus latch as a black box that performs
both funetions). The embedded logic approach thus results in significant performance
improvements.

The TSPC latch circuits can be further reduced in complexity, as illustrated in Figure 7-32,
where only the first inverter is controlied by the clock. Besides the reduced number of iransis-
tors, these circuits have the advantage that the clock load is reduced by half. On the other hand,
not all node voltages in the latch experience the full logic swing. For instance, the voliage at
node A {or V), = 0 V) for the positive latch maximally equals V,, — Vi, which results in a
reduced drive for the output NMOS transistor and a loss in performance. Similarly, the voltage
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{2} Positive latch (b} Negative latch
Figure 7-32 Simplified TSPC latch {also called split output}.

on node A (for V,, = V,,;) for the negative latch is only driven down to }Vy,! This also limits the
amount of ¥y, scaling possible on the latch.

Figure 7-33 shows the design of a specialized single-phase edge-triggered register. When
CLK = 0, the input inverter is sampling the inverted 2 input on node X, The second (dynarnic)
inverter is in the precharge mode, with M, charging up node ¥ to Vp. The third inverter is in the
held mode, since M and M, are off. Therefore, during the low phase of the clock, the input to
the final (static) inverter is holding its previous value and the output @ is stable. On the rising
edge of the clock, the dynamic inverter M,—M; evaluates. If X is high on the rising edge, node ¥
discharges. The third inverter M,—~M, is on during the high phase, and the node value on ¥ is
passed to the output (. On the positive phase of the cleck, note that node X transitions to a low it
the D input transitions to a high level. Therefore, the input must be kept stable until the value on
node X before the rising edge of the clock propagates to Y. This represents the hold time of the
register {note that the hold time is less than I inverter delay, since it takes 1 delay for the input to
affect node X). The propagation delay of the register is essentially three inverters, because the

Voo Voo Yop

. 1
—d | P @
7 e

D—uCL}—{—ci M, X M, CLK_{ M;

—-—i M) CL{{_{ My —'—] M,

Figure 7-33 Posilive edge-triggered register in TSPC.
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vaiue on node X must propagate to the output {2, Finally, the setup time is the time for node X to
be valid, which is one inverter delay.

WARNING: Similar to the C?MOS latch, the TSPC latch malfunctions when the slope of the
clock is not sufficiently steep. Slow clocks cause both the NMOS and PMOS clocked transistors
to be on simuitaneously, resulting in undefined values of the states and race conditions. The
ciock slopes should therefore be carefully controlled. If necessary, local buffers must be intro-
duced to ensure the quality of the clock signals.

Example 7.4 TSPC Edge-Triggered Register

Transistor sizing is critical for achieving correct functionality in the TSPC register. With
improper sizing, glitches may occur at the output due to a race condition when the clock
transitions from low to high. Consider the case where D is low and 3 = [ (Q = 0). While
CLK is low, Y 1s precharged high turning on M. When CLX transitions froms low to high,
nodes Y and Q start to discharge simultaneously (through M,—M; and M—M,, respec-
tively). Once Y is sufficiently low, the trend on 0 is reversed and the node is pulled high
again through M, In a sense, this sequence of events is comparable to what happens when
we chatn dynamic logic gates. Figure 7-34 shows the transient response of the circuit of
Figure 7-33 for different sizes of devices in the final two stages.

This glitch may be the cause of fatal errors, because it may create unwanted events
{for instancs, when the cutput of the latch is used as a clock signal input to another regis-
ter}. It also reduces the contamination delay of the register. The problem can be corrected
by resizing the relative strengths of the pull-down paths through #~M; and M.—-M,, so
that Y discharges much faster than ©. This is accomplished by reducing the strength of the
M —M; pull-down path, and by speeding up the M -3 pull-down path.
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Figure 7-34 Transistor sizing issues in TSPC (for the register of Figure 7-33}.
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7.4 Alternative Register Styles™®

7.4.1 Pulse Registers

Until now, we have used the master—slave configuration to create an edge-triggered register. A
fundamentally different approach for constructing a register uses pulse sigrals. The idea is to
construct a short pulse around the rising (or falling) edge of the clock. This pulse acts as the
clock input to a latch {for example, Figure 7-35a), sampling the input only in a short window.
Race conditions are thus avoided by keeping the opening time (i.e, the transparent period} of the
latch very shori. The combination of the glitch-generation circuitry and the latch results in a pos-
itive edge-triggered register.

Figure 7-35b shows an example circuit for constructing a short intentional glitch on each
rising edge of the clock {Kozu$96]. When CLK =0, node X is charged up to Vi, (M is off since
CLXG 1s low). On the rising edge of the clock, there is a short period of time when both inpuis
of the AND gate are high, causing CLKG to go high. This in turn activates My, puliing X and
eventually CLKG low (Figure 7-35¢). The length of the pulse is controlled by the delay of the
AND gate and the two inverters. Note that there exists also a delay between the rising edges of
the input clock (CLK) and the glitch clock (CLKG), which also is equal to the delay of the AND
gate and the two investers, If every register on the chip uses the same clock generation mecha-
nism, this sampling delay does not matter. However, process variations and load variations may
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Figure 7-35 TSPC-based glitch latch-iiming generation and register.

243



7.4 Alternative Register Styles® 355

cause the delays through the glitch clock circuitry to be different. This must be taken into
account when performing timing verification and clock skew analysis (the topics of Chapter 10).

If the setup time and hold time are measured in reference to the rising edge of the glitch
clock, the setup time is essentially zero, the hold time is essentially equal to the length of the
pulse, and the propagation delay {z,_ ) equals two gate delays. The advantage of the approach is
the reduced clock load and the small number of transistors required. The glitch-generation
circuitry can be amortized over multiple register bits, The disadvantage is a substantial increase
in verification complexity. For this circuit to function properly, simulations must be performed
across all corners to ensure that the clock pulse always exists (i.e., that the glitch-generation cir-
cuit works reliably). Despite the increased complexity, such registers do provide an alternate
approach to conventional schemes, and they have been adopted in a number of high-perfor-
mance processors (e.g., [Kozu961).

Another version of the pulsed register is shown in Figure 7-36 (as used in the AMD-K6
processor [Partovi®6]). When the clock is low, M; and 3, are off, and device P, is turned on.
Node X is precharged to ¥y, the output node (Q) is decoupled from X and is held at its previous
state. CLXD is a delay-inverted version of CLK, On the rising edge of the ¢clock, Ay and 3, turn
on while devices M, and M, stay on for a short period, determined by the delay of the three
inverters. During this interval, the circuit is transparent and the input data D is sampled by the
latch. Once CLED goes low, node X is decoupled from the 2 input and is either held or statts to
precharge to Vp, through PMOS device P,. On the falling edge of the clock, nede X is held at
Vpp and the output is held stable by the cross-coupled inverters.

Note that this circuit also uses a puise generator, but it is integrated nto the register. The
transpavency period also determines the hold time of the register. The window must be wide
enough for the input data to propagate to the Q output. In this particular circuit, the setup time
can be negative. This is the case if the transparency window is longer than the delay from imput
to output. This is atiractive, as data can arrive at the register even after the clock goes high,
which means that time is borrowed from the previous cycle.

CLK a|

Figure 7-38 Flow-through positive edge-triggered register,
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Example 7.5 Setup Time of Glitch Regisier

The glitch register of Figure 7-36 is transparent during the (1-1) overlap of CLK and
CLED. As a result, the input data can actually change after the rising edge of the clock,
resulting in a negative setup time (Figure 7-37). The D-input transitions to low after the
rising edge of the clock, and transitions to high before the falling edge of CLKD {i.e., dui-
ing the transparency period). Observe how the output fellows the input. The output Q does
20 10 the correct value of V5 as long as the input D is set up correctly some time before
the failing edge of CLKD. When the negative setup time is exploited, there can be no guar-
antees on the monotonic behavior of the output. That is, the cutput can have multiple tran-
sitions around the rising edge, and therefore, the output of the register should not be used
for driving dynamic logic or as a clock as a clock to other registers.

3.0
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90 02 04 06 08 10
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Figure 7-37 Simulation showing a negative setup ime for the glitch register,

Problem 7.6 Converting a Glitch Register to a Conditional Glitch Register

Modify the circuit in Figare 7-36 so that it takes an additional Enable input. The goal is to convert the reg-
ister to a conditional register which latches only when the enable signal is asserted.

7.4.2 Sense-Amplifier-Based Registers

In addition to the master—skave and the glitch approaches to implement an edge-triggered regjs-
ter, a third technigue based on sense amplifiers can be used, as introduced in Figure 7-38
[Montanaro96].> Sense-amplifier circuits accept small input signals and amplify them to gener-
ate rail-to-rail swings. They are used extensively in memaory cores and in low-swing bus drivers
to either improve performance or reduce power dissipation. There are many techniques to con-
struct these amplifiers. A common approach is to use feedback—for instance, through a set of

3 a sense, these sense-amplifier-based registers are similar in operation to the glitch registers—that is, the first siage
generates the pulse, and the seeond lawches 3t
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Figure 7-38 Positive edge-iriggered register based on sense amplifier,

cross-coupled inverters. The circuit shown in Figure 7-38 uses a precharged front-end amplifier
that samples the differential input signal on the 1ising edge of the clock signal. The outputs of
front end are fed intc a NAND cross-coupled SR ffip-flop that holds the data and guarantees that
the differential outputs switch onty once per clock cycle. The differential inputs in this imple-
mentation don't have to have rail-to-rail swing.

Fhe core of the front end consists of a cross-coupled inverter (M —M), whose outputs (L,
and L) are precharged by using devices M; and M, during the low phase of the clock. As a
result, PMOS transistors A4, and M, are turned off and the NAND flip-flop is holding its previ-
ous state, Transistor M| is similar to an evaluate switch in dynamic circuits and is turned off to
ensure that the differential inputs do not affect the output during the low phase of the clock. On
the rising edge of the clock, the evaluate transistor turns on and the differential input pair (M,
and M) is enabled, and the difference between the input signals is amplified on the output nodes
on L, and L;. The cross-coupled inverter pair flips te one of its stable states based on the value of
the inputs. For example, if N is 1, L, is pulled to §, and £, remains at V,;,. Due to the amplifying
properties of the input stage, it is not necessary for the input to swing all the way up to Vp,
which enables the use of low-swing signaling on the input wires.

The shorting transistor, My, is used to provide a DC-leakage path from either node Ly, or L,
to ground. This is necessary to accommodate the case in which the inputs change their value after
the positive edge of CLK has occurred, resulting in either L; or L, being left in a high-impedance
state with a logical low-voltage level stored on the node. Without the leakage path, that node
would be susceptible to charging by leakage currents. The laich could ther actually change state
prior to the next rising edge of CLK This is best illustrated graphically, as in Figure 7-39.
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Figure 7-2¢ The need for the shorting transistor M.

7.5 Pipelining: An Approach to Optimize Sequential Circuits

Pipelining is a popular design technique often used to accelerate the operation of datapaths in
digital processors. The concept is explained with the exampie of Figure 7-40a. The goal of the
presented circuit is to compute log{ja + b)), where both a and b represent streams of numbers
(i.c., the computation must be performed on a iarge set of input values). The minimal clock

period T, necessary to ensure correct evaluation is given as
Tnzi:s = rc—-{; + tp(i.fege’c Ly (??)
where 1, and f,, are the propagation delay and the setup time of the register, respectively. We

assume that the registers are edge-triggered D registers. The term 2,,,,,;. stands for the worst
case delay path through the combinational network, which consists of the adder, absolute value,
and logarithm functions. In conventional systems {that don’t push the edge of technology), the
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Figure 7-40 Datapath for the computation of log{la + bf}.

latter deiay is generally much larger than the delays associated with the registers and dominates
the circuil performance. Assume that each logic moduie has an equal propagation delay. We note
that each logic module is then active for only one~third of the clock period (if the delay of the
register is ignored). For example, the adder unit is active during the first third of the period and
remains idle {no useful computation) dusing the other two-thirds of the period. Pipelining is a
technique to improve the resource utilization, and increase the functional through-put. Assume
that we introduce registers between the logic blacks, as shown in Figure 7-40b, This causes the
computation for one set of input data to spread over a number of clock-periods, as shown in
Table 7-1. The result for the data set (4, &,) only appears at the output after three clock periods,

Table 7-1 Example of pipelined computations.

Clock Period Adder Absolute Value Logarithm
t a;+ b
2 G+ by o+ &,
3 a3+ by la; + bt tag(la, + &,
4 as+ by lag+ By logllay + 85D
s as + bg lay + &4 iogllas + 54
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At that time, the circuit has already performed parts of the computations for the next data sets,
{as, by} and (a3, b3). The computation is performed in an assembly-line fashion—hence the name
pipeline. ’

The advantage of pipelined operation becomes apparent when examining the minimum
clock period of the modified circuit, The combinational circuit block has been partitioned into
three sections, each of which has a smaller propagation delay than the original function. This
effectively reduces the value of the munimum allowable clock period:

T =t + max (¢ Y+ i, (7.8:

nbn,ppe c—g ik adeds f o by rp(f,f{}g

Suppose that ail jogic blocks have approximately the same propagation delay, and that the
register overhead is small with respect io the logic delays. The pipelined network outperforms
the original circuit by a factor of three under these assumptions (i.e., T, nie= 7,/ 3). The
increased performance comes at the relatively small cost of two additional registers and an
increased latency.* This explains why pipelining is popular in the implementation of very high-
performance datapaths.

7.5.1 Laich- versus Register-Based Pipelines

Pipelined circuits can be constructed by using level-sensitive latches instead of edge-triggered
registers, Consider the pipelined circuit of Figure 7-41, The pipeline system is implemented
using pass-transistor-based positive and negative latches instead of edge-triggered registers. That
is, logic is introduced between the master and slave latches of a master—slave system. In the fol-
lowing discussion, we use the CLK-CLK notation to denote a two-phase clock system without
loss of generality. Laich-based systems give significantly more flexibility in implementing a
pipelined system, and they often offer higher performance. When the CLK and CLK clocks are
nonoverlapping, correct pipeline operation is obtained. Input data is sampled on C| at the nega-
tive edge of CLK and the computation of logic block ¥ starts; the result of the logic block F is
stored on C, on the falling edge of CLK, and the computatior of logic block G starts. The non-
overiapping of the clocks ensures correct operation. The value stored on C, at the end of the
CLK low phase is the result of passing the previous input (stored on the falling edge of CLK on
C)) through the logic function F. When overiap exists between CLK and CLE, the next input is
already being applied to £ and its effect might propagate ta C, before CLK goes low {assuming
that the contamination delay of F is small). In other words, a race develops between the previous
inpat and the current one. Which value wins depends upon the logic and is often a function of
the applied inputs. The latter factor makes the detection and elimination of race conditions non-
trival in nature.

3 Latency is defined here as the number of cloek cycles it takes for the datn to propagmte from the input to the oulput. For
the example at hand, pipelining incieases the latency from 1 1o 3. Anincreased Intency is seneraliy acceptable, but it can
cayse o global performance degradation if not weared with care.
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Figure 7-41 Operation of two-phase pipelined circuit, using dynamic registers.
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Figure 7-42 Pipetined daiapath, using C2OS iatches.

7.5.2 NORA-CMOS—A Logic Style for Pipelined Structures

The latch-based pipeline circuit can also be implemented by using C2MOS latches, as shown in
Figure 7-42. The operation is similar to the one discussed in Section 7.5.1. This topology has
one additional important property:

A C*MOS-based pipelined circuit is race free as long as all the logic functions F
(implemented by using static logic) between the latches are noninverting,

The reasoning for the preceding argument is similar to the argument made in the con-
struction of a C*MOS register. During a (0-0) overlap between CLK and CLE, all C2MOS
latches simplify to pure pull-up networks (see Figure 7-27). The only way a signal can race
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Figure 7-43 Potential race condition during (0-0} overlap in C3MOS-based design.

from stage to stage under this condition is when the logic function F is inverting, as illustrated
in Figure 7-43, where F is replaced by a single, static CMOS inverter. Similar considerations
are valid for the (1-1) overlap.

Based on this concept, a logic circuit style called NORA-CMOS was conceived
[Gongalves83]. It combines C*MOS pipeline registers and NORA dynamic logic function
blocks, Each modulie consists of a block of combinational logic that can be a mixture of static
and dynamic logic, followed by a C*MOS latch. Logic and latch are clocked in such a way that
both are simultanecusly in either evaluation, or hold (precharge) mode. A block thar is in evalua-
tton during CLK = | is called a CLK module, while the inverse is called a CLK module. Exam-
ples of both classes are shown in Figure 7-44a and 7-44b, respectively. The operation modes of
the modules are summarized in Table 7-2.

A NORA datapath consists of a chain of alternating CLX and CLK modules. While one
class of modules is precharging with its cutput laich in hold mode, preserving the previous
output value, the other class is evaluating. Data is passed in 2 pipelined fashion from medule
to module. NORA offers designers a wide range of design choices. Dynamic and static logic

Tahle 7-2 Operation modes for NORA logic modules.

CLK block CLK block
Logic Latch Logic Latch
CLK=0 Precharge Hold Evalugte Evaloare
CLK=1 Evaiuate Evaluate Precharge Hold
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Figure 7-44 Examples of NORA-CMOS modules.
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can be mixed freely, and both CLK), and CLK, dynamic blocks can be used in cascaded or in
pipelined form. Although this style of logic avoids the extra inverter required in domino
CMOS, there are many rules that must be followed to achieve reliable and race-free opera-
tion, As a result of this added complexity, the use of NORA has been limited o high-

performance applications.
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7.6 Nonhistable Sequential Circuils

In the preceding sections, we have focused on a single type of sequential element: the latch (and
its sibling, the register}. The most important property of such a circuit is that it has two stable
states—hence, the term bistable. The bistable element is not the only sequential circuit of inter-
est. Other regenerative circuits can be catalogued as astable and monostable. The former act as
oscillators and can, for instance, be used for on-chip clock generation. The latter serve as pulse
generators, also called one-shoi circrizs. Anotber interesting regenerative circuif is the Schmin
tiigger. This component has the useful property of showing hysteresis in its de characteristics—
its switching threshold is variable and depends upon the direction of the transition {low to high
or high to low). This peculiar feature can come 1n handy in noisy environments.

7.6.1 The Schmitt Trigger

Definition

A Sehmin trigger [Schmitt38] is a device with two important properties:

1. } responds to a slowly changing input waveform with a fast transition time at the
outpat.

2. The voltage-transler characterisiic of the device displays different switching thresholds for
positive- and regative-going input signals. This is demonstrated in Figure 7-45, where a
typical voltage-transfer characteristic of the Schmitt trigger is shown {aad its schematics
symbol). The switching thresholds for the low-to-high and high-to-low transitions are
called Vy,, and V,, , respectively. The Aysteresis voltage is defined as the difference
between the two.

One of the main uses of the Schimitt trigger is to turn a noisy or slowly varying input signal into
a clean digital output signal. This is illustrated in Figure 7-46. Notice how the hysteresis sup-
presses the ringing on the signal. At the same time, the fast low-to-high (and high-to-low) transi-

9
yam ¥ O
in Tuf
Vare Vs Vin
{a} Voltage-iransier characteristic (b} Schematic symbol

Figure 7-45 Noninveriing Schmitt trigger.
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Figure 7-46 Noise suppression, using a Schmitt trigger.

tions of the output signal should be observed. Steep signal slopes are beneficial in general, for
instance for reducing power consumption by suppressing direct-path currents. The “secret”
behind the Schmitt trigger concept is the use of positive feedback.

CMOS Implementation

One possible CMOS implementation of the Schmitt trigger is shown in Figure 7-47. The idea
behind this cizeuit is that the switching threshold of a CMOS inverter is determined by the
(k) ratio between the PMOS and NMOS transistors. Increasing the ratio raises the thresh-
old, while decreasing it lowers V), Adapting the ratio depending upon the direction of the
transition results in a shift in the switching threshold and a hysteresis effect. This adaptation
is achieved with the aid of feedback.

Suppose that V,, is initially equal to 0, so that ¥, ,, = 0 as well. The feedback loop biases the
PMOS wansistor M, in the conductive mode, while M, is off. The input signal effectively con-
nects 1o an inverter consisting of two PMOS transistors in parallel (M, and M) as a pull-up net-
work, and a single NMOS transistor (M) in the pull-down chain. This modifies the effective
transistor ratio of the inverter to &,/ (k;, + &4}, which moves the switching threshold upwards.

Voo 5
M, (—4 M,
Vf” X '_VOII‘

Figure 7-47 CMOS Schmitt trigger.
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Once the inverter switches, the feedback loop turns off A, and the NMOS device M, is
activated. This extra puli-down device speeds up the transition and produces a clean output sig-
nal with steep slopes. '

A similar behavior can be observed for the high-to-low transition. In this case, the pull-
down network originally consists of A, and M, in parallel, while the puli-up network is formed
by M,. This reduces the value of the switching threshold to ¥,

Example 7.6 CMOS Schmitt Trigger

Consider the Schmitt trigger of Figure 7-47, with M, and M, sized at | ym/0.25 um, and
3 um/0.25 pm, respectively. The inverter is designed such that the switching threshold is
around Vpp/2 (= 1.25 V). Figure 7-48a shows the simulation of the Schmitt trigger assum-
ing that devices M, and M, are 0.5 pm/0.25 pm and 1.5 um/0.25 pm, respectively. As
apparent from the plot, the circuit exhibits hysteresis. The high-to-low switching peint
{(V,_= 0.9 V) is lower than Vp/2, while the low-to-high switching threshold {(V,, =
1.6 V) is larger than Vp,/2.

It is pessible to shift the switching point by changing the sizes of M; and M,. For
example, to modify the low-to-high transition, we need to vary the PMOS device.
The high-to-low threshold is kept constant by keeping the device width of M, at 0.5 pm.
The device width of M, is varied as & x 0.5 pm. Figure 7-48b demonstrates how the
switching threshold increases with raising values of £,

25 s ; 25 : ]
20 - 20+ —
— 15k Vit 4 15 -
2 1 1 2 | ]
Tl Vi 4 > 1o 4 N _

k=11 ™
3 b N " & k=3 -
05k - os =2 -

k=4
(i) . H : ! : | N 00 - ] . | . . i
0.0 0.5 14 1.5 2.0 2.5 1.0 B3 1.0 i.5 2.0 25
Vizz {V) Viu {V}

(a) Voltage-transfer characteristics with hysteresis. {1} The effect of varying the ratio of the

PMOS device A, The width is k< 8.5 umn.

Figure 7-48 Schmitt trigger simulations.

255



7.6 MNonbistable Seqguential Circuits 367

Problem 7.7 An Alternative CMOS Schmitt Trigger

Another CMOS Sehmitt rigger is shown in Figure 7-49. Discuss the operation of the gate, and derive
expressions for Vi, and Vy,, .

VD.{)

T —

[IT11

Figure 7-4% Afternate CMOS Schmitt trigger.

7.6.2 Monostable Sequential Circuits

A monostable element is a circuit that generates a pulse of & predetermined width every time the
quiescent circuit is triggered by a pulse or transition event. It is called monostable because it has
only one stable state (the quiescent one). A trigger event, which is either a signal transition or a
pulse, causes the circuit to go temporarily into another quasi-stable state. This means that it
eventually returns to its original state after a time period determined by the circuit parameters.
This circuit, also called a one-shor, is useful in generating pulses of a known length. This func-
tionality is required in a wide range of applications, We have already seen the use of a one-shot
in the construction of glitch registers. Another well-known example is the address transition
detection {ATD) circuit, used for the timing generation in static memories. This circuit detects a
change in a signal or group of signals, such as the address or data bus, and produces a pulse to
initialize the subsequent circuiiry.

The most common approach to the implementation of one-shots is the use of a simple
delay element to control the duration of the pulse. The concept is illustrated in Figure 7-50. In
the quiescent state, both inputs to the XOR are identical, and the output is low. A transition on
the input causes the XOR inputs to differ temporarily and the output to go high. After a delay ¢,
{of the delay element), this disruption is removed, and the output goes low again. A pulse of
length 7, is created. The delay circuit can be realized in many different ways, such as an RC-
network or z chain of basic gates.
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Figure 7-50 Transition-triggered one shot.

7.6.3 Astable Circuits
An astable circuit has no stable states. The output oscillates back and forth between two quasi-
stable states, with a period determined by the circuit topology and parameters (delay, power sup-
ply, etc.). One of the main applications of oscillators is the en-chip generation of clock signals,
(This application is discussed in detail in a later chapter on timing.}

The ring oscillator is 2 simple example of an astable circuit. It consists of an odd number
of inverters connected in a circular chain. Due to the odd number of inversions, no stable opera-
tion point exists, and the circuit oscillates with a peried equal to 2 x 7, X N, where ¥ is the num-
her of inverters in the chain and 7, is the propagation delay of each inverter.

g
PR

Example 7.7 Ring Oscillator
The simulated response of a ring oscitlator with five stages is shown in Figure 7-51 (all
gates use minimum-size devices). The observed oscillation period approximately eguals
0.5 ns, which corresponds to a gate propagation delay of 50 ps. By tapping the chain at
various points, different phases of the oscillating waveform are obtained. (Phases 1, 3, and
5 are displayed in the plot.} A wide range of clock signals with different duty-cyeles and
phases can be derived from those elementary signals, using simple logic operations.

Volts

Figure 7-51

e gy

e
"""‘“"-w-w.,...

0.5 1.0
Time {ns}

Simulated waveforms of five-stage ring osciliator.
The outputs of stages 1, 3, and 5 are shown.
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Figure 7-52 Voliage-controlied oscillalor based on current-starved inveriers.

The ring oscillator composed of cascaded inverters produces a waveform with a fixed
oscillating frequency determined by the delay of an inverter in the CMOS process. In many
applications, it is necessary to control the frequency of the oscillator. An example of such a cir-
cuit is the voltage-contrelled oscillator (VCO), whose oscillation frequency is a function (typi-
cally, nonlinear} of a control voliage. The standard ring oscillator can be modified into a VCO by
replacing the standard inverter with a current-starved inverter like the one shown in Figure 7-52
Feong87]. The mechanism for controlling the delay of each inverter is to limit the current avail-
able to discharge the load capacitance of the gate.

In this modified inverter circuit, the maximal discharge current of the inverter is limited by
adding an extra series device. Note that the low-to-high transition on the inverter can also be
contreiled by adding a PMOS device in series with M,. The added NMOS transistor M, is con-
trolled by an analog control voltage V., which determines the available discharge current.
Lowering V,,, reduces the discharge current and, hence, increases 7,,,. The ability to aiter the
propagation delay per stage allows us to control the frequency of the ring structure. The control
veltage is generaily set by using feedback techniques. Under low-operating current levels, the
current-starved inverter suffers from slow fall times at its cutput. This can result in significant
shott-circuit current. We solve this problem by feeding its output into a CMOS inverter or, better
vet, a Schmitt trigger. An extra inverter is needed at the end to ensure that the structurs oscillates.

Example 7.8 Current-Starved Inverter Simulation

Figure 7-53 shows the simulated delay of the current-starved inverter as a function of the
control voltage V.. The delay of the inverter can be varied over a large range. When

the control voltage is smaller than the threshold, the device enters the subthreshold region.
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Figure 7-53 1, of current-starved inverter as a funciion of the control voltage.

This results in large variations of the propagation delay, as the drive corrent is exponen-
tially dependent on the drive voltage. When operating in this region, the delay is very sen-
sitive to variations in the control voliage and hence to noise.

Another approach to implement the delay cell is to use a differential element as shown in
Figure 7-54a. Since the delay cell provides both inverting and noninverting outputs, an oscillator
with an even nuntber of stages can be implemented. Figure 7-54b shows a two-stage differential
VCO, where the feedback loop provides 180° phase shift through two gate delays, one nowin-
verting and the other inverting, therefore forming an oscillation. The simulated waveforms of
this two-stage VCO are shown in Figure 7-54c. The in-phase and quadrature phase outputs are
available simultaneously. The differential-type VCO has better immunity to common mode noise
(for example, supply noise} compared with the common ring osciliator. However, it consumes
more power due to its increased complexity and its static current.

7.7 Perspective: Choosing a Clecking Strategy

A crucial decision that must be made in the earliest phases of chip design is to select the appro-
priate clocking methodology. The reliable synchronization of the various operations oceurring in
a complex circuit is one of the most intriguing challenges facing the digital designer of the next
decade. Choosing the right clocking scheme affects the functionality, speed, and power of a
circuit.

A number of widely used clocking schemes were introduced in this chapter. The most
robust and conceptually simple scheme is the two-phase master—slave design. The predominant
approach is to use the multiplexer-based register, and to generate the two clock phases locally by
simply inverting the clock. More exotic schemes such as the glitch register are also used in prac-
tice. However, these schemes require significant fine-tuning and must only be used in specific
situations. An example of sach is the need for a negative setup time to cope with clock skew.

The general trend in high-performance CMOS VLSI design is therefore to use simple
clocking schemes, even at the expense of performance. Most automated design methodologies
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Figure 7-84 Differential delay slement and VCO topology.

such as standard cell employ a single-phase, edge-triggered approach, basad on static flip-fops,
Nevertheless, the tendency towards simpler clocking approaches alse is apparent in high-
performance designs such as microprocessors, The use of latches between logic to improve cir-
cuit performance is common as well.

7.8 Summary

This chapter has explored the subject of sequential digital circuits. The following topics were
discussed:

*» The cross coupling of two inverters creates a bisiable circuit, also known as a flip-flop. A
third potential operation point tures out ko be metastable; that is, any diversion from this
bias point causes the flip-flop to converge t© one of the stable states.

* A latch is a level-sensirive memory element that samples data on one phase and holds data
on the other phase. A register, on the other hand, samples the data on the rising or falling
edge. A register has three important parameters: the setup time, the hold time, and the
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propagation delay. These parameters must be carefully optimized, because they may
account for a significant portion of the clock period.

» Registers can be static or dynamic. A static register holds state as long as the power supply
is turned on. It is ideal for memory that is accessed infrequently {e.g., reconfiguration reg-
isters or control information). Static registers use either multiplexers or overpowering o
enable the writing of data.

= Dynamic memory is based on temporary charge storage on capacitors. The primary advan-
tage is reduced complexity, higher performance, and lower power consumption. However,
charge on a dynamic node leaks away with time, and dynamic circuits thus have 2 mini-
mum clock frequency. Pure dynamic memory is hardly used anymore. Register circuits are
made pseudostatic to provide immunity against capacitive coupling and other souices of
eircuit induced noise.

» Registers can also be constructed by using the pufse or glitch concept. An intentional pulse
(using a one-shot circuit) is used to sample the input around an edge. Sense-amplifier-
based schemes also are used to construct registers; they should be used as well when high-
performance or low-signal-swing signaliing is required.

« Choice of clocking styie is an important consideration. Two-phase design can result in race
problems. Circuit techniques such as C?MOS can be used to eliminate race conditions in
rwo-phase clocking. Another option is to use true single-phase clocking. However, the rise
time of clocks must be carefully optimized to eliminate races.

» The combination of dynamic logic with dynamic latches can produce extremely fast com-
putational structures. An example of such an approach, the NORA logic style, is very
effective in pipelined datapaths,

» Monostable structures have only one stable state; thus, they are useful as pulse generators.

» Astable multivibrators, or oscillators, possess no stable state. The ring oscillator is the
best-known example of a circuit of this class.

= Schmirt triggers display hysteresis in their dc characteristic and fast transitions in their
wransient response. They are mainly used to suppress noise.

7.9 To Probe Further

The basic concepts of sequential gates can be found in many logic design textbooks {(e.g.,
IMano82] and [Hill74]}. The design of sequential circuits is amply documented in most of the
traditional digital circuit handbooks. [PartoviG1] and [Bernstein98] provide in-depth overviews
of the issues and solutions in the design of high-performance sequential elements.
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PART

YArt, it seems to pie, should simplify. That, indeed, is very nearly the whole of the higher artistic
process; finding what conventions of form and what of detail one can do witheut and yet pre-

serve the spirit of the whale”
Willa Sibert Cather,

QCn the Art of Fiction (1920).

“Simplicity and repose are the gqualities that measure the true value of any work of art”
Frank Lloyd Wright.

264



265



CHAPTER

8

Implementation Strategies

for Digital ICs

Semicustom and structured design methodologies

ASIC and system-on-a-chip design flows
Configurabie hardware

&1
82
&3
84

85

8.6
87
8.8

introduction

From Custom to Semicustom and Structured-Array Design Approaches

Custom Circuit Design

Cell-Based Design Methodology

84.1 Standard Cell

8.4.2 Coampiled Cells

8.4.3 Macrocells, Megacellg, and Inteilectual Property
8.4.4 Semicustom Design Flow

Array-Based Implementation Approaches
8.51 Prediffused (or Mask-Programmable} Arrays
8.5.2 Prewired Arrays

Perspective—The Implementation Platiorm of the Future
Summary
To Probe Further

377

266




378 Chapter 8 « Implementation Strategies for Digital IC5

8.1 Inireduction

The dramatic increase in complexity of contemporary integrated circuits poses an enormous
design challenge. Designing a multimillion-transistor circuit and ensuring that it operates cor-
rectly when the first silicon returns is a daunting task that is virtually impossible without the help
of computer aids and well-established design methodologies. In fact, it has often been suggested
that technology advancements might be outpacing the absorption bandwidth of the design com-
munity. This is articulated in Figure 8-1, which shows how IC complexity (in logic transistors} is
growing faster than the productivity of a design engineer, creating a “design gap.” One way to
address this gap is to increase steadily the size of the design teams working on a single project.
We observe this trend in the high-performance processor world, where teams of more than 500
people are no longer a surprise.

Obviously, this approach cannot be sustained in the long frerm—just imagine all the design
engineers in the world working on a single design. Fortunately, about once in a decade we wit-
ness the introduction of a nove! design methodology that creates a step function in design pro-
ductivity, helping to bridge the gap temporarily. Looking back over the past four decades, we
can identify a number of these productivity leaps. Pure custom design was the norm in the eatly
integrated circuits of the 1970s. Since then, programmable logic arrays (PLAs), standard cells,
macrocells, module compilers, gate arrays, and reconfigurable hardware have steadily helped to
ease the time and cost of mapping a function onto silicon. In this chapter, we provide a descrip-
ticn of some commonly used design implementation approaches. Due to the extensive nature of
the field, we cannot be comprehensive—doing so would require a textbook of its own. Instead,
we present a user perspective that provides a basic perception and insight into what is offered
and can be expected from the different design methedologies.

The preferred approach 1o mapping a function onto silicon depends largely upon the func-
tion itself. Consider, for instance, the simple digital processor of Figure 8-2Z. Such a processor
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Figure 8-1 The design productivity gap. Technolegy {in logic transistors/chip)
outpaces the design productivity {in transisiors designed by a single design

enginaser per month). Source: SIA [SIAQT]
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Figure 8-2 Composition of a generic digital processor. The arrows
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could be the brain of a personal computer (PC), or the heart of a compact-disc player or cellular
phone. It is compesed of a number of building blocks that occur in one form or ancther in almost
every digital processor:

» The datapath is the core of the processor; it is where all computations are performed, The
other blocks in the processor are support units that either store the resuits produced by the
datapath or help to determine what will happen in the next cycle. A typical datapath con-
sists of an interconnection of basic combinational funciions, such as logic (AND, OR,
EXOR) or arithmetic operators (addition, multiplication, comparison, shift). Iatermediate
results are stored in registers. Different strategies exist for the implementation of data-
paths—structured custom cells versus automated standard eells, or fixed hard-wired versus
flexible field-programmable fabric. The choice of the implementation platform is mestly
influenced by the trade-off between different design metrics such as area, speed, enezgy,
design time, and reusability.

* The contrel module determines what actions happen in the processor at any given point
in time. A controler can be viewed as a finite state machine {ESM). It consists of registers
and logic, and thus is a sequential circuit. The logic can be implemented in different
ways—either as ab interconnection of basic logic gates (standard cells), or in a more struc-
tured fashion using programmable logic arrays (PLAS) and instruction memories.

* The memory module serves as the centralized data storage area. A broad range of differ-
ent memory classes exist. The main difference between those classes is in the way data can
be accessed, such as “read only” versus “read—write,” sequential versus random access, or
single-ported versus multiported access. Another way of differentiating between memories
is related to their data-retention capabilitics. Dynamic memory structares mast be
refreshed periodically to keep their data, while static memaories keep their data as long as
the power source is furned on, Finally, nonvolatile memories such as flash memories con-
serve the stored data even when the supply voltage is removed. A single processor might
combine different memory classes. For example, random access memory can be used to
store data, and read-only memory may store instructions.
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» The interconnect network joins the different processor modules w one another, while the
input/output circuitry connects to the outside world. For a long time. interconnections
were an afterthought in the design process. Unfortunately, the wires composing the inter-
connect network are less than ideal and present a capacitive, 1esistive, and inductive load
to the driving circuitry. As die sizes grow larger, the length of the interconnect wires also
tends to grow, resulting in increasing values for these parasitics, Teday, automated or
structured design methodologies are being introduced that ease the deployment of these
inlerconnect structures. Examples include on-chip busses, mesh fnterconnect structures,
and even complete nenvorks on a chip. Some components of the interconnect network typ-
ically are abstracted away on schemuatic block diagrams, such as the one shown in
Figure 8-2, yet are of critical importance to the well-baing of the design. These include the
power- and clock-distribution networks. Early planning of these “‘service” networks can
20 a long way toward ensuring the correct operation of the integrated circuil.

The structure of Figure 8-2 may be repeated many times on a single die. Figure 8-3 shows

an example of a systent on a chip, which combines all the functions needed for the realization of
a complete high-defimition digital TV set. It combines two processors, memory units, specialized
accelerators for functions such as MPEG {dejcoding and data filtering, as well as a range of
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Figure 8-3 Tha “Nexperia” system on a chip [Phitips39]. This single chip combines a
general-purpose microprocessor corg, a VLIW {very large instruction word) signal
processer, a memory system, an MPEG coprocessor, multipie accelerator units,

and input/output perinherals, as well as two sysiem busses.
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peripheral units. Other applications such as wireless transceivers or hard-disk read/write units
may even include some sizable analog modules.

{Choosing an effective implementation approach strongly depends upon the function of the
modutes under consideration. For cxample, memery units tend o be very regular and structured.
A module compiler that stacks cells in an arraylike fashion is thus the preferred implementation
approach. Controllers, on the other hand, tend to be unstructured, and other implementation
approaches are desirable. The choice of the implementation strategy can have a tremendous
effect on the quality of the finai product. The challenge for the designer is to pick the style that
meets the product specifications and constraints, What worles well for one design may well be a
disaster for another one.

Example 8.1 Trading Off Energy Efficiency and Flexibility

A design that embraces {lexibility {or programmability) is very attractive from an applica-
tion perspective. It allows for “late binding,” in which the application can still be changed
after the chip has gone to fabrication. Flexibility makes it possible to reuse 2 single design
for multiple applications, or to upgrade the firmware of a component in the field, reducing
the risk for the manufacturer. In contrast, a hard-wired component is totally fixed at manu-
facturing time and cannot be modified afterwards.

So, why not use flexible or programmable components for every possible design? As
atways, there is no free lunch. Flexibility comes at a price in both performance and energy
efficiency. Providing programmability means adding overhead to implementation. For
example, a programmable processor uses stored instructions and an instruction decoder to
make a single datapath perform multiple funciions. Most designers are not aware of the
large cost of flexibility. The impact is illustrated in Figure 8-4, which compares the energy
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Figure 8-4 Trading off flexibility versus ensrgy efliciency (in MOPS/mW or millions of op-
erations per mJ of enargy] for different implementation styles. The numbers were collected
for a 0.25 pm CMOS process [Rabaey00].
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efficiency—the number of operations that can be performed for a given amount of
energy—of various implementation styles versus their fexibility—that is, the range of
applications that can be mapped onto them. A staggering three orders of magnitude in
variation can be observed. This clearly demonsirates that hard-wired or implementation
styles with limited flexibility (such as configurable or parameterizable modules) are pref-
erable when energy efficiency is a must.

In this and the following three chapters, we discuss, respectively, implementation tech-
nigues for random logic and controflers (this chapter), interconnect {Chapter 9, datapaths
{Chapter 11), and memories (Chapter 12). Observe that the choice of the implementation
approach can have a tremendous effect on the guality of the final product. Important aspects in
the design of complex systems consisting of multiple blocks and thus deserving special attention
are synchronization and timing (Chapter 1) and the power distribution network (Chapter 9).
The distribution of clock signals and supply current has become one of the dominant problems
in the design of state-of-the-art processors. A number of Design Methodelogy Insests, inter-
spersed between the chapters, address the design challenge posed by these complex components,
and introduce the advanced design automation tools that are available to the designer. Inserts F,
G, and H discuss design synthesis, verification, and test, respectively.

8.2 From Custom to Semicustom and Structured-Array
Design Approaches

The viability of a microelectronics design depends on a number of (often) conflicting factors,
such as performance in terms of speed or power consumption, cost, and production volume. For
exampie, to be competitive in the market, a microprocessor has to excel in performance at a low
cost to the customer. Achieving both goals simultanecusly is only possible through large sales
volumes. The high development cost associated with high-performance design is then amortized
over many parts. Applications such as supercomputing and seme defense applications present
another scenario. With ultimate performance as the primary design geal, high-performance cus-
tom destgn techniques often are desirable. The production velume is small, but the cost of elec-
tronic parts is only a fraction of the overal! system costs and thus not much of an issue. Finally,
reducing the system size through integration, not pesformance, is the major objective in most
consumer applications. Under these circumstances, the design cost can be reduced substantially
by using advanced design-mugomation techniques, which compromise performance, but mini-
mize design time. As noted in Chapter 1, the cost of a semiconductor device is the sum of two
compenents:

s The nonrecurring expense (NRE}, which is incurred only once for a design and includes
the cost of designing the part.

» The production cost per part, which is a function of the process complexity, design area,
and process yield.
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Figure 8-5 Overview of implementation approaches for digital
integrated circuits (after [DeMicheligd]).

These economic considerations have spurred the development of a nuimber of distinct implemen-
tation approaches ranging from high-performance, handerafted design to fully programmable,
medium-to-low performance designs. Figure 8-3 provides an overview of the different method-
ologies. In the sections that follow, we discuss first the custom design methodology, followed by
the semicustom and array-based approaches.

8.3 Custom Circuit Design

When performance or design density is of primary importance, handerafiing the cireuit topology
and physical design seems (0 be the only option. Indeed, this approach was the only option in the
early days of digital microelectronics, as is adequately demonstrated in the design of the Intel
4004 microproecessor {see Figure 8-5a). The labor-intensive nature of custom design translates
into a high cost and a long fime to marker. Therefore, it can only be justified economically under
the following conditions:

* The custom block can be reused many times {for example, as a library cell}.

+ The cost can be amortized over a large volume. Microprocessors and semiconductor mem-
ories are examples of applications in this ciass.

+ Cost is not the prime design criterion, as it is in supercomputers oF hypersupercomputers.

With continuocus progress in the design-automation arena, the share of custom design reduces
from year to year. Even in the most advanced high-performance microprocessors, such as the
Intel Pentium® 4 processor (see Figure 8-6), virteally all portions are designed automatically
using semicustom design approaches. Only the most performance-critical modules such as the
phase locked-loops and the clock buffers are designed manually. In Tact, library cell design is the
only area where custom design still thrives today.

The amount of design automation in the custom-design process is minimal, yet some
design tools have proven indispensable. In concert with a wide range of verification, simulation,
extraction and modeling tools, layoui editors, design-rule and electrical-rule checkers—as
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Figure 8-6 Chip microphotograph of Intel Pentium® 4 processor. It contains
42 million transistors, designed in a 8.18-um CMOS technology. Hs first
generation runs at a clock speed of 1.5 GHz {Courtesy Intei Corp.).

described eartlier in Design Methodology Insert A—are at the core of every custom-design envi-
ronment. A excellent discussion of the opportunities and challenges of custem design can be
found in [GrundmanY7].

8.4 Cell-Based Design Methodology

Since the custom-design approach proves to be prohibitively expensive, a wide variety of design
approaches have been introduced over the years fo shorten and automate the design process.
This antomation comes at the price of reduced integration density and/or performance. The fol-
lowing rule tends o hold: the shorter the design time, the larger is the penalty incurred. In
this section, we discuss a number of design approaches that still require a full run through the
manufacturing process for every new design. The array-based design approach discussed in the
next section cuts the design time and cost even further by requiring only a limited set of extra
processing steps or by eliminating processing completely.

The idea behind cell-based design is to reduce the implementation effort by reusing a lim-
ited library of eells. The advantage of this approach is that the cells only need fo be designed and
verified once for a given technology, and they can be reused many times, thus amortizing the
design cost. The disadvantage is that the constrained nature of the library reduces the possibility
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of fine-tuning the design. Celi-based approaches can be partitioned into a number of classes
depending cn the granulasity of the library elements.

841 Standard Cell

The standard-cell approach standardizes the design eniry level at the logic gate. A library con-
taining a wide selection of logic gates over a range of fan-in and fan-out counts is provided.
Besides the basic logic functions, such as inverter, AND/NAND, OR/NOR, XOR/XNOR, and
flip-flops, a typical library alse contains more complex functions, such as AND-OR-INVERT,
MUX, full adder, comparator, counter, decoders, and encoders, A design is captured as a sche-
matic containing only cells available in the library, or is generated automatically from a higher
level description language. The layout is then automatically generated. This high degree of auto-
mation is made possible by placing strong restrictions on the lavout options. In the standard-cell
philosophy, celis are placed in rows that are separated by routing channels, as illustrated in
Figure 8-7. To be effective, this requires that all cells in the library have identical heights. The
width of the cell can vary to accommodate for the variation in complexity between the cells. As
illustrated in the drawing, the standard-cell technique can be intermixed with other layout
approaches to allow for the introduction of medules such as memories and multiptiers that do
not adapt easily or efficiently to the logic-cell paradigm.

An example of z design implemented in an carly standard-cell desiga style is shown in
Figure 8-8a. A substantial fraction of the area is devoted to signal routing. The minimization of
the interconnect overhead is the most important goal of the standard-celf placement and routing
tools. One approach to minimizing the wire iength is to introduce feed-through cells (Figure 8-7)
that make it possible to connect between celis in different rows without having to route around a
compiete row. A far more important reduction in wiring overhead is obtained by adding more
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!

\___/

s \\ 7
: i - Routing
" ; channel
B |
e <
é
' Functiona!
module
{RAM,
L multiphier, ...}

Figure 8-7 Standard-cell layout methodology.
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Figure 8-8 The evolution of standard-cell design. (a} Design in a three-layer metal
tachnotogy. Wiring channels represent a substantial armount of the chip area.

{h) Design in & seven-iayer metal technology. Routing channels have virtually
disappeared, and all interconnection is laid on top of the logic cells.

interconnect layers. The seven or more metal layers that are available in contemporary CMOS
processes make it possible to all but eliminate the need for routing channels. Virtually all signals
can be routed on top of the cells, creating a truly three-dimensional design. Figure 8-8b shows a
fraction of a standard-cell design, implemented by using seven metal tayers, The design achieves
more than 90% density, which means that virtually all of the chip area is covered by logic cells,
and that onty a limited amount of the area 1s wasted for interconnect.

The design of a standard-cell library is 2 time-intensive undertaking that, fortunately, can
be amortized over a large number of designs. Determining the composition of the library is a
nontrivial task. A pertinent question is, Are we better off with a small library in which most
cells have a limited fan-in, or is it more beneficial ro have a large library with many versions of
every gate {e.g., containing two-, three-, and four-input NAND gates, and different sizes for
each of these gates)? Since the fan-out and load capacitance due to wiring are net known in
advance, it used to be conmmon practice to ensure that each gate had large cureent-driving capa-
bilities, (i.e., employs large output transistors). While this simplifies the design procedure, it
has a detrimental effect on arca and power consumnption. Today’s Hbraries employ many ver-
sions of each cell, sized for different driving strengths, as well as performance and power con-
sumption levels. It is left to the synthesis tool to select the comrect cells, given speed and area
reguirements.

To muake the library-based approach work, a detailed documentation of the cell library is
an absolute necessity. The information should not only contain the layout, a description of func-
tionality and terminal positioning, but it also must accurately characterize the delay and power
consumption of the cell as a fanction of load capacifance and the input rise and fall imes. Gen-
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erating this information accounts for a large portion of the library generation effort. How to
characterize logic and sequential cells is the topic of “Design Methodology Insert B

Example 8.2 A Three-Input NAND-Gate Cell

Te illustrate some of the preceding observations, the design of a three-input NAND stan-
dard-cell gate, implemented in a (.18 um CMOS technology, is depicted in Figure 8-9.
The library actually contains five versions of the ceil, supporting capacitive loads from
0.18 pF up to 0.72 pF and ranging in area from 16.4 pm? to 32.8 um?. The cell shown rep-
resents the low-performance, energy-efficient design corner, and uses high-threshold tran-
sistors to reduce leakage. The NMOS and PMOS transistors in the pull-down (-up)
networks are both sized at a (W/L) ratio of approximately 8.

Figure 8- Thres-input NAND standard cell {Courtesy ST Microelectronics).

Observe how the layout strategy follows the approach outlined in Figure D-2. Sup-
ply lines are distributed horizontally and shared between celis in the same row. Input sig-
nais are wired vertically using polysilicon. The Inputfoutput terminals are located
througheut the cell body (as exemplified by the pin terminal in the layout drawing}, in line
with the over-the-cell wiring approach of today’s standard-cell methodology.
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The standard-cell approach has become immensely popular, and is used for the implemen-
tation of virtually all logic elements in today’s integrated circuits. The only exceptions are when
extreme high performance or low energy consumption is needed, or when the structure of the
targeted function is very regular (such as a memory or a multiplier). The success of the standard-
cell approach can be attributed to a number of developments, including the following:

+ The increased quality of the automatic cell placement and routing tools in conjunction
with the availability of multiple routing layers. In fact, it has been shown in & number of
studies that the antomated approach of today rivals if not surpasses manual desigs for
complex, irregular logic circuits. This is 4 major departure from a couple of yeats ago,
when automated layout carried a large overhead.

The advent of sophisticated logic-synrthesis tools. The logic-synthesis approach allows
for the design to be entered at a high level of abstraction using Boolean equations, state
machines, or register-transfer languages such as VHDL or Verilog. The synthesis tools
automatically transiate this specification into a gate netlist, minimizing & specific cost
function such as area, delay, or power. Early synthesis tools—such as those used in the
first half of the 1980s—focused maostly on twe-level logic minimization. While this
enabled automatic design mapping for the first time, it limited the area efficiency and the
performance of the generated circuits. It is only with the arrival of nudtitevel logic synihe-
sis in the late 1980s that automated design generation has really taken off. Today, virtually
no designer uses the standard-cell approach without resorting te automatic synthesis. A
more detailed description of the design synthesis process can be found in “Design Meth-
cdology Insert 7 which follows this chapter.

»

In the early days of MOS integrated circunt design, logic design and optimization was 2 manual and labor-
intensive task. Karnaugh maps and Quine-McCluskey tables were the techniques of choice at that time. In
the late 1970s, a first approach toward automating the tedious process of designing logic circuits emerged,
triggered by two Important developments:

+ Rather than using the ad hoc approach to laying out logic cireuits, a regular structured design
approach was adopied called the Progranumable Logic Array or PLA. This methodology enabled the
automatic layout generation of two-level logic ciresits, and, more importantly, it did se in a predict-
able fashion in terms of area and performance.

= The emergence of automated logic synthesis tools for two-level logic [Brayton84] made it possible
to transiaie any possible Boolean expression into an opiimized itwa-level {sum-of-products or prod-
nct-gi-sums) logic structure. Tools for the synthesis of sequential circuits followed shortly thereafter.

The idea of structured logic design gained a rapid footheld, and abeady in the mid-1980s it was
adopted by major microprocessor design compenies such as Intel and DEC. While PLAs are only sparingly
used in today’s semicustom logic design, the topic deserves some discussion {especially since PLAs might
be poised for a come-back).

The concept is best explained with the aid of an example. Consider the following logic functions, for
which we have transformed the equations into the sum-of-products format by using logic manipulations:
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Figure 8-10 Regular two-level implementation of Beolean functions.
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Cne important advaninge of this representation is that a regular realization is easily conceived, as
illustrated in Figare 8- 1. A first layer of gates implements the AND operations—also called prodisct terms
or mintenns—while a second layer realizes the OR funclions, called the suniterins, Hence, a PLA is a rect-
angular macrocell, consisting of an asray of iransistors aligned to form rows in correspondence with prod-
uct terms, and columing in correspondence with inputs and outputs. The input and output eolumns partitien
the array into two subarrays, called AND and OR planes, respectively.

The schematic of Figure 8- 10 is not directly realizable since single-layer logic functions in CMOS
are always inverting. With a few simple Boolean manripulations, Eq. (8.1} can be rewritten intc 2 NOR—
NOR format:

fo= (gtx)+n -

Fo= (gt xbx) 4 xp o (3 + 5

Problem 8.1 Two-Level Logic Representations

It is equally conceivable to represent Eq. (8.1} in a NAND-NAND format. In general, the NOR-NOR rep-
yesentation 15 preferred due to the prohibitively slow speed of large fim-in NAND gates. The NAND-
NAND eonfiguration is very dense, owever, and thus can help 1o reduce power consumption. Derive the
NAND-NAND representation for the exampie of Eq. (8.2).

>

Translating a set of two-level logic functions into a physical design now boils down to a “programming’
task—that is, deciding where {0 place transistors in both the AND and the OR planes. This task is easily auto-
mated—ience, the early suceess of PLAs. An automatically generated PLA implementation of the logic func-
tions described by Eq. (8.2) is shown in Figore 8-11. Unfortunately, the regular structure, while predictable,
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Figure 8-11 PLA layout implementing Eq. (8.2}
brings with it a lot of overhead in area and delay (as isquite visible in the layout), which was its ultimate demise
in the semicustom design workd. Those who are curious on how these AND and OR planes are actaally imple-

mented must wait unti} we get to Chapter 12, where we disouss the transistor-level implementation of PLAs.
|

8.4.2 Compiled Cells

The cost of implementing and characterizing a library of cells should not be underestimated.
Today’s libraries contain from several hundred to more than a thousand cells. These cells have to
be redesigned with every migration 1o a new technology. Moreover, changes happen during the
development of a single technology generation, For example, minimum metal widths or contact
rules often are changed to improve yield. As a result, the complete library has to be laid out and
characterized again. In addition, even an extensive library has the disadvantage of being discrete,
which means that the number of design eptions is limited, When targeting performance or
power, custornized cells with optimized transistor sizes are attractive. With the increased impact
of interconnect load, providing cells with adjusted driver sizes is an absolute necessity from both
a performance and a power perspective [Sylvester98—hence, the quest for automated {or com-
piled} cell generation.

A number of automated approaches have been devised that generate ceil layouts on the ly,
given the transistor netlists, but high-quality automatic cell layout has remained elusive. Earlier
approaches relied on fixed topologies. Later approaches allowed for more flexibility in the tran-
sistor placement (e.g., [Hill§51). Layout densities close to what can be accomplished by a human

279



8.4 Cell-Based Design Methodology 391

designer are now within reach, and a number of cell-generation tools are commercially avail-
able—for example [Cadabra0l, ProlificGi]:

Example 8.3 Auntomatie Cell Generation

The flow of a typical cell-generation process 1§ illustrated with the example of a simple
inverter (using the Abracad ool [Cadabra(31]).

« The cell schematics are developed first. The Spice netlist is the starting point for the
auntomatic layout generation. The generator examines the netlist and starts with tran-
sistor geoinetries. In case of a CMOS inverter, the cell contains just two transistors
{see Figure 8-12a) .

* The tool proceeds along the same lines that a designer would follow. The transistors
are placed in a cell architecture with predefined topology rales {Figare 8-12b). This
architecture is common for all the ceils in the Hbrary, including the cell height,
power rails, pin placements, routing and contact styles.

= The cell is routed symbolically (Figure 8-12¢).

« The routing is rearranged, and the cell is compacted to meet design rules and Iibrary
preferences {Figure 8-12d).

* The final step cleans the cell of any remaining design rule errors and produces the
final lavout (Figure §-12¢).

{3} (e}

Figure 8-12 Automatic cell layout (a) initial transistor geometries, {(b) placed transistors
with flylines indicating intended interconnections, {2} initially routed cell, and {d) compacted
cell, [e) finished cell.
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8.4.3 Macrocells, Megacells and Intellectual Property

Standardizing at the logic-gate level is attractive for random logic functions, but it turns out to be
inefficient for more complex structures such as multipliers, data paths, memories, and embedded
microprocessors and DSPs. By capturing the specific nature of these blocks, implementations
can be obtained that outperform the results of the standard ASIC design process by a wide mar-
gin. Cells that contain a complexily that surpasses what is found iu a typical standard-ceil library
are called maciocells (or, sometimes, megacetls). Two types of macrocells can be ideatified:

The Hard Macro represenis a module with & given functionality and a predetermined physical
design. The relative location of the transistors and the wiring within the module is fixed. In
essence, & hard macro represents a custom design of the requested function. In some cases, the
macro is parameterized, which means that versions with slightly different properties are avail-
able or can be generated. Multipliers and memories are examples: A hard multiplier macro may
not only generate a 32 X 16 multiplier, but aiso an 8 x 8 one.

The advantage of the hard macro is that it brings with it all the good properties of custom
design: dense layout, and optimized and predictable performance and power dissipation. By
encapsulating the function into a macromodule, #t can be reused over and over in different
designs. This reuse helps te offset the initial design cost. The disadvantage of the hard macre is
that it is hard to port the design to other technologies or to other manufacturers. For every new
technology, a major redesign of the block is necessary. For this reason, hard macres are used less
and less, and are employed mainly when the automated generation approach is far inferior or
even impossible. Embedded memories and microprocessors are good examples of hard macros,
They typicatly are provided by the IC manulbacturer {who also provides the standard cell library),
or the semiconductor vendor who has a particilarly desirable functicn to offer (such as a stan-
durd microprocessor or DSP).

In the case of 2 macro that ean be parameterized, a generator called the module compiler is
used to create the actual physical lavout. Regular structures such as PLAs, memories, and muiti-
pliers are easily consiructed by abutting predesigned leaf cells in a two-dimensional array topol-
ogy. All interconnections are made by abutment, and no or little extra routing is needed if the
cells are designed correctly, which minimizes the parasitic capacitance. The PLA of Figure 8-11
is an example of such a configuration. The whole array can be constructed with a mvinimal num-
ber of cells. The generator itself is a simple software program that determines the relative posi-
tioning of the various ieaf cells in the aray.

Example 8.4 A Memory Macromodule

Figure 8-13 shows an example of a “hard” memory macrocetl. The 256 % 32 SRAM block
is generated by a parameterizable module generator. Besides creating the layout, the gen-
erator also provides accurate timing and power information. Modern memory generators
also include an amount of redundancy to deat with defects.
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Figure 8-13 Parameterizable memory “hard” macrocell. This particular instance stores
258 x 32 (or 8192} bits. The decoders are located on the bottom. All eight address bits, as
well as the 32 data input and output ports are placed on the right side of the ¢ell. The total
area of the memory modute, implemented in a G.18-um CMOS technology, equals a mere
0.094 mm? {courtesy ST Microelectronics).

A Soft Macro  represents a module with a given functionality, but without a specific physical
implementation, The placement and the wiring of a soft macro may vary from instance to
instance. This means that the timing data can only be determined after the final synthesis and
placement and routing steps—in other words, the process is unpredictable. Yet, through intrinsic
knowledge of the internal structure of the module, and by imposing precise timing and place-
ment consirainis on the physical generation process, soft macros most often succeed in offering
well-defined timing guaraniees. While stepping away from the advantages of the custom design
process and relying on the semicustom physical design process, soft macros have the major
advantage that they can be ported over a wide range of technologies and processes. This amor-
tizes the design effort and cost over a wide set of designs.

Seft-macrocell generators come in different styles depending on the type of function they
target. Virtually all of them can be classified as structural generators: Given the desired function
and values for the requested parameters, the geaerator produces a netlist, which is an enumera-
tion of the standard cells used and their interconnections. It also provides a set of timing con-
straints that the placement and routing tools should meet. The advantage of this approach is that
the generator exploits its knowledge of the function under consideration ¢ come up with clever
structares that are more sfficient than what logic synthesis would produce. For example, the
design of Tast and area-efficient multipliers has been the topic of decades of research.! The mul-
tiplier generator just incorporates the best of what the multiplier literature has to offer into an
automated generation tool.

"Multiplier design is explained more thorouzhly in Chapter 11, which discusses the design of arilunesic sfructares,
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Example 8.5 Multiplier Macromodule

Two instances of an 8 » 8 multiplier module with different aspect ratios are shown in
Figure 8-14. The modules are generated using the ModuleCompiler tool from Synopsys
{ModuleCompiler0Q1]. As can observed from the layout, a common standard-cell methed-
ology is used to generate the physical artwork. The contribution of the macrocell generator
is to tanslate the compact input description inte an optimized connection of standard celis
that meets the diming constraints. This “soft” approach has the advantage that modules
with different aspect ratios can easily be generated. Also, porting between different manu-
facturing technologies is relatively easy.

Figure 8-14 Muitiplier “sofi” macro modules. Both layouls implement an 8 x 8 booth multiplier,
hut with different aspects ratios. The compadt input description to the compiler is shown inthe gray
box ontop.

The availability of macromodules has substantially changed the semicustom design land-
scape in the 21 century. With the complexity of ICs going up exponentially, the idea of building
every new IC from scratch becomes an uneconomic and nonplausible proposition. More and more,
circuits are being built from reusable building blocks of increasing complexity and functionality.
Typically, these modules are acquired from third-party vendors, who make the functions available
through royalty or licensing agreements. Macromodels distributed in this style are called inrellec-
tual property {or IPY modules. This approach is somewhat comparable to the software world, where
a large programming project typically makes intensive use of reusable software libraries. Good
examples of commonly available inteliectual property modules are embedded microprocessors
and microconirollers, DSP processors, bus interfaces such as PCI, and several special-purpose
functional modules such as FFT and filer modules for DSP applications, error-correction coders
for wireless communications, and MPEG decoding and encoding for video. Obviously, for an [P
module 1o be useful, it has to not only deliver the hardware, but it also has to come with the appro-
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priate software tools (such as compilers and deboggers for embedded processors), prediction mod-
els, and test benches. The latter are quite important because they represent the only means for the
end user to verify that the module delivers the promised functionality and performance.

The design of a system on a chip is rapidly becoming an exercise in reuse at different lev-
els of granularity. At the lowest level, we have the standard cell library; at a level higher, we have
the functional modules sach as multiptiers, datapaths and memeries; next, we have the embed-
ded processors; and finally, the application-specific megacells. With more and more of the sys-
tem functicnality migrating onto a single die, it is not surprising to see that a typical ASIC
cousists of a blend of design styles and modules, embedding a number of hard or soft macrocells
within a sea of standard cells.

Example 8.6 A Processor for Wireless Communications

Figure 8-13 shows an imtegrated circuit implementing the protocol stack for a wireless
indoor communication svstem [SilvaQll. The majority of the area is occupied by the
embedded microprocessor {the Tensilica Xtensa processor [Xtensa®G1]) and its memory
system. This processor allows for a flexible implementation of the higher levels of the pro-
tocol stack {Applicatdon/Network), and enables changes in the functionality of the chip,
even after fabrication. The memory modules are generated using module compilers pro-
vided by the process vendor. The processor core itself is antomatically generated from a
higher level description in Verilog, and uses standard cells for its physical implementation.
The advantage of using the “soft-core” approach is that the processor instruction set can be
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Figure B-15 Wireless communications processor—an example of & hybrid ASIC design
methodology. The processor combines an embedded microprocessor and its memory sys-
tem with dedlicated hardware accelerators and /O modules. Observe also the on-chip nat-
work modula [Silvalil.
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tailored to the application, and that the processor itself can easily be ported to different
technologies and fabrication processes.

Implementing the computation-intensive parts of the protocol (MAC/PHY) on the
microprocessor would require very high clock speeds and would unnecessarily increase the
power dissipation of the chip. Fortunately, these functions are fixed and typically do not
require a flexible implementation. Hence, they are implemented as an accelerator module in
standard cells. The hard-wired implementation accomplishes the task of implementing a
huge number of computations at a relatively low power level and clock frequency. The
designer of a system on a chip is continuously faced with the challenge of deciding what is
more desirable—after-the-fabrication flexibility versus higher performance at lower power
levels, Fortunately, tools are emerging that help the designer to explore the overall design
space and analyze the trade-offs in an informed fashion [Silva01]. Observe also that the chip
contains a set of /O interfaces, as well as an embedded network module, which helps o
orchestrate the traffic between processor and the various accelerator and YO modules.

The generation process of a macro madule depends on the hard or soft nature of the black,

as well as the level of design entry. In the following sections, we briefly discuss some com-
menly: used approaches.

8.4.4 Semicustom Design Flow

So far, we have defined the components that make up the celi-based design methodology. In this
section, we discuss how it all comes together, Figure 8-16 details the traditional sequence of
steps to design a semicustom circuit. The steps of what we call the design fow are enumerated
in the figure, with a brief description of each:

I

[¥5]

. Design Captore enters the design into the ASIC design system. A variety of methods can

be used o do s, including schematics and block diagrams; hardware description lan-
guages (HDLs) such as VHDL, Verileg, and, more recently, C-derivatives such as Sys-
temC; behavioral description languages followed by high-level synthesis; and imported
intellectual property modules.

. Logic Synthesis tools translate modules described using an HDL language into a retlisr,

Netlists of reused or generated macros can then be inserted to form the complete netlist of
the design.

. Prelayout Simulation and Verification. The design is checked for correctness. Perfor-

mance analysis is performed based on estimated parasitics and layout parameters. If the
design is found to be nonfunctional, extra iterations over the design capture or the Jogic
synthesis are necessaiy.

. Floor Planning. Based on estimated module sizes, the overall outlay of the chip is cre-

ated. The global-power and clock-distribution networks also are concetved at that time.
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Figure 8-16 The Semicustom {or ASIC) design fiow.

5. Placement. The precise positioning of the cells is decided.

6. Reuting. The interconnections between the cells and blocks are wired.

7. Extraction. A model of the chip is generated from the actual physical layout, including
the precise device sizes, devices parasitics, and the capacitance and resistance of the wires.

8. Postlayout Simulation and Verification. The functionality and performance of the chip is
verified in the presence of the layout parasitics. If the design is found to be facking, itera-
tions on the floorplanning, placement, and routing might be necessary. Very often, this
might not solve the problem, and another round of the structural design phase might be
necessary.

9. Tape Out. Once the design is found to be meeting all design goals and functions, a binary
file is generated containing 2il the information needed for mask generation. This file is
then sent ouf to the ASIC vendor or foundry. This imnportant moment in the life of a chip is
called tape out.

While the design flow just described has served us well for many years, it was found 1o be
severely lacking once technology reached the 0.25-um CMOS boundary. With design technol-
ogy proceeding into the deep submicron region, layout parasitics—especially from the intercon-
nect--are playing an increasingly important role. The prediction models used by the logic and
stractural synthesis tools have a hard time providing accurate estimates for these parasitics. The
chances that the generated design meets the timing constraints at the first try are thus very small
{Figure 8-17a). The designer (or design team) is then forced to go through a number of costly
iterations of syathesis followed by layout generation until an acceptable artwork that meets the
timing constraints is obtained (Figure 8-17b and ¢). Each of these iterations may take several
days—ijust routing a complex chip can take a week on the mest advanced computers! The
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{a) Initial design {h) Intermadiate design {c) Final design

Figure 8-17 The timing closure process. The white lines indicate nets with timing
violations. In each iteraticn of the design process, timing errors are removed by
optimizing the logic, by insertion of buffers, by constraining the placement, or by
streamlining the routing until an error-free design is obtained [Avanii0l].

nurmber of needed iterations continues to grow with the scaling of technology. This problem,
called timing closure, made it obvious that new solutions and a change in design methodology
were required.

The common answer is fo create a Hehter integration between the logical and physical
design processes. If the logic synthesis tool, for example, aisc performs some part of the place-
ment—or directs the placemeni—more precise estimates of the layout parameters can be
obtained. Figure 8-18 shows an example of a design environment that merges RTL synthesis
with first-order placement and routing. The resulting netlist is then fed into an optimization tool
that performs the detailed piacement and routing, while guaranteeing the timing constraints are
met. While this approach has shown to be quite successful in reducing the number of design iter-

RTL ({Timing} constraints
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Figure 8-18 |niegrated synthesis place-and-roule reduces the number
of iterations to reach timing closure in deep submicron.
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ations, it throws guite a challenge at the design-tool developers. With the number of parasitic
effects mereasing with every round of technology scaling, the design optimization process that
must take all this into account becomes exponentiaily complex as well. As a result, other
approaches might be required as well. In the coming chapters, we will highlight “design solu-
tions” that can help to alleviaie some of these problems. An example is the use of regular and
predictable structures, both at the logical and the physical level,

8.5 Array-Based Impiementation Approaches

While design automation can help reduce the design time, it does not address the time spent in
the manufacturing process. All of the design methodologies discussed thus far require a com-
plete run through the fabrication process. This can take from three weeks to several months, and
it can substantially delay the introduction of a product. Additionally, with ever-increasing mask
costs, a dedicated process min is expensive, and product economics must determsine if this is a
viable route.

Consequently, a number of alternative implementation approaches have been devised that
de not require a complete run through the manufacturing process, or they avoid dedicated pro-
cessing completely. These approaches have the advantage of having a lower NRE (nonrecurring
expense} and are, therefors, more attractive for small series. This comes at the expense of lower
performance, lower integration density, or higher power dissipation.

8.5.1 Prediffused (or Mask-Programmable) Arrays

In this approach, batches of wafers containing arrays of primitive cells or fransistors are manu-
factured by the vendors and stored. All the fabrication steps needed 1o make transistors are stan-
dardized and executed without regard to the final application.

To transform these uncommitted wafers into an acteal design, only the desired intercon-
nections have to be added, determining the overall function of the chip with only a few metalli-
zation steps. These layers can be designed and applied to the premanufactured wafers much
more rapidly, reducing the turnaround time to a week or less.

This approach is often called the gate-array or the sea-of-gates approach, depending on
the style of the prediffused wafer. To tllustrate the concept, consider the gate-array primitive cell
shown in Figure 8-19a. It comprises four NMOS and four PMOS 1ransistors, polysilicon gate
connections, and a power and ground rail. There are two possible contact points per diffusion
area and two potential connection points for the polysilicon strips. We can turn this cell, which
does not implement any logic function so far, into a real circuit by adding some extra wires on
the metal layer and contact holes. This is iliustrated in Figure 8-195, where the cell is turned into
a four-input NOR gate.

The original gate-ariay approach” places the cells in rows separated by wiring channels, as
shown in Figure 8-20a. The overali look is similar to the traditional standard-cell technique, With
the advent of extra metallization jayers, the routing channels can be eliminated, and routing can

*This approach is often called the channeled pate iy,
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Figure 8-18 An example of the gate-array approach.
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Figure 8-20 Gate-array archilectures.

be performed on top of the primitive celis—occasionally leaving a cell unused. This channeliess
architecture, also calied sea of gates (Figure 8-20b), yields an increased density, and makes it pos-
sible 1o achieve integration levels of millions of gates on a single die. Another advantage of the
sea-of-gates approach is that it customizes the contact layer between metal-1 and diffusion and/
or polysilicon, in contrast to the standard gate-array approach where the contacts are predefined
(see Figure 8-19a). This extra flexibility leads to a further reduction in cell size.

The primary challenge when designing a gate-array (or sea-of-gates) template is to deter-
mine the composition of the primitive cell and the size of the individual transistors. A sufficient
number of wiring tracks must be provided to minimize the number of cells wasted to intercon-
nect. The cell should be chosen so that the prefabricated trassistors can be utilized to a maximal
extent over a wide range of designs. For example, the configuration of Figure 8-19 is well suited
for the realization of four-input gates, but wastes devices when implementing two-input gates.
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Figure 8-21 Examples of sea-of-gates primitive cells (from [Veendrick82]).

Multipie cells are needed when implementing a fip-flop. A number of alternative cell structures
are pictured in Figure 8-21 in a simplified format. In one approach, each cell contains a limited
number of transistors {four to eight). The gates are isolated by means of oxide isolation (also
called geamnetry isolation}. The “dog-bone™ terminations on the poly gates allow for denser rout-
ing. A second approach provides long rows of transistors, all sharing the same diffusion area. In
this architecture, it is necessary to electrically turn off some devices to provide isolation between
neighboring gates by tying NMOS and PMOS transistors to GND and Vpp,, respectively, This
technique is called gate isolntion. This approach wastes a number of transistors to provide the
isolation, but provides an overall higher transistor density.

Figure 8-22 shows the base cell for a gate-isolated gate wray (from [Smith97]). The cell is
one routing track wide, and contains one p-channel and one #-channel transistor. Also shown is a
base cell containing all possible contact positions. There is room for 21 contacts in the vertical
direction, which means that the cell has a height of 21 tracks.

It is worthi ohserving that the cell in Figure 8-21b provides two rows of smaller NMOS
transistors that can be connecied in parallel if needed. Smaller transistors come in handy when
implementing pass-transistor logic or memory cells. Sizing the transistors in the cells is a clear
challenge. Due to the interconnect-oriented nature of the array-based design methodology, the
propagation delay is generally dominatled by the interconnect capacitance. This seems to favor
larger device sizes that cause a larger area loss when unused. On the other hand, it is possible to
construct larger transistors by putting several smaller devices i parallel.

Mapping a logic design onto an array of cells is a largely automated process, involving
logic synthesis foliowed by placement and routing. The guality of these tools has an enormous
impact on the final deasity and performance of & sea-of-gates implementation. Utilization fac-
tors in sea-of-gates structures are a strong function of the type of application being implemented.
Utilization factors of nearly 100% can be obtained for regular structures such as memories. For
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Figure 8-22 Base cell of gate-isolated gate array {from [Smiths7]}.
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Figure 8-23 Flip-flop implemented in a gate-isoiaied gate-array iibrary,
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The base cefl is shown on the left {from [Smith97).

other applications, utilization facters can be substantially lower (< 75%), due largely to wiring
restrictions. Figure 8-23 shows an example of a flip-flop macrocell, implemented in a gate-
isolated, gate-array librar

Y.
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Similar to the scenarios unfolding in the standard-cell arena, designers of sea-of-gate
arrays discovered that a design with a large number of gates also has large memory needs.
Implementing these memory cells on top of the gate-array base-cells is possible, but not very
efficient. A more efficient approach is to set aside some area for dedicated memory modules.
The mixing of gate arrays with fixed macros is called the embedded gate-array approach. Other
modules such as microprocessor and microcontrollers are also ideal candidates for embedding.

Example 8.7 Sea-of-Gates

An example of a sea-of-gates implementation is shown in Figure 8-24. The array has a
maximum capacity of 300 K gates and is implemented in a 0.6-pm CMOS technology.
The upper left part of the array implements a memory subsystem, which results in a regu-
lar modular layout. The rest of the array implements random logic.

Figure 8-24 Gate-array die microphotograph (LEA300K) (Courtesy of LS| Logic.)
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In the 1980z and 1990s, when the majority of the chips were less than 50,000 gates, desigs cycles oflen
could be measured in weeks or a few months. The two- or three-week savings in lursaround time for a gate-
array design was then a significant portion of the total design cycle, more than enough to offset the addi-
tional die size. With today™s deep-submicron processes and multimillion-gate complexities come longer
design times, and the small reduction in wraaround dime is no longer much of an issue. Furthermore, metal-
lization has become the most time-consuming and vield-impacting part of the semiconductor manufaciur-
ing process, reducing further the advantage that gate arrays had 1o offer. Consequently, gate arrays have lost
a lot of their luster. Another aiternative for rapid prototyping—ithe prewired arrays discussed in the aext
section—has arisen, and it has taken a large portion out of the gate-array market.

Stitl, beware of dismissing the idea of the mask-programmable logic module as a thing of the past. A
regular and fixed layout style has the advantage that load factors, wiring parasitics, and cross-coupling
noise are easily and accurately estimated. This is in conirast to the standard-cell approach, where these val-
ues are ultirmately only known after placement, routing, and extraction, One may consider populating sec-
tions of a large chip with a regular logic array consisting of uncommiued (prediffused) logic cells
superimposed by a wiring grid, The actual programming of the module is performed by placing vias at pre-
defined positions, As shown in Figure 8-23, the use of a via-programmable cross-peint switch makes it pos-
sible to overlay a wide variety of wiring patterns on a regular repetitive wiring grid. It is the opinion of the
authors that prediffused arrays have quite some life [eft into them.

Via-programmable eress point

metals mefal-6

via programmable

Figure 8-25 Via-programmable gate array. Vias are used to dedicate a generic
wiring grid to a specific wiring pattem, resulting in prediciable arrays [Pileggi0z].

B.5.2 Prewired Arrays

While the prediffused arrays offer a fast road to implementation, it would be even more efficient
if dedicated manufacturing steps could be avoided altogether. This leads to the concept of the
preprocessed die that can be programmed in the field (i.¢., outside the semiconductor foundry) to
implement a set of given Boolean functions. Such a programmable, prewired array of cells is
called a field-programmable gate array (FPGA). The advantage of this approach is that the mano-
ufacturing process is completely separated from the implementation phase and can be amortized
over a large number of desizns. The implementation itself can be performed at the user site with
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negligible turnaround fime. The major drawback of this technigne is a foss in performance and
design density, compared with the more customized approaches.

‘Two main issues have to be addressed when attempting to implement a set of Boolean
functions on top of a regular array of cells without requiring any processing steps:

1. How do we implement “programmable” logic—that iz, logic that can committed 1o per-
form any possible Boolean fonction?

2, How and where do we store the program—also called the configuration—that dedicates
the programmabie array to a certain logic function?

The answer to the second question depends on the memory technology used. Since memory
technology is the topte of a later chapter, we limit ourseives here {0 a high-level overview. In
general, three different techniques can be identified:

* The write-once or fuse-based FPGA. The logic array is committed to a particular func-
tion by biowing “fuses” or by short-circuiting “antifuses.” A Tuse is a connection element
that is shori-circuited by default. A large current causes it to blow, and then it becomes an
open circuit. The antifuse has the opposite behavior. An example of an antifuse implemen-
tation is shown in Figure 8-26 [El-Ayat89]. The advantage of the write-once approach is
that the area overhead of the program memory (i.e., the fuses) is very small. But it has the
important disadvantage of being one-tine progranmmable, Circuit corrections or exten-
sions are not possible, and new components are reguired for every design change,

* The nonvolatile FPGA. The program is stored in nonvolatile memory, which is memory
that retains its value even when the supply voltage is turned off, Examples include
EEPROM (Hiectrically Erasable Progranmmable Read-Ondy Memory) or Flash memories.
Once programmed, the logic remains functional and fixed until a new programming round.
The disadvantage of this approach is that nonvolatile memories require special steps in the
manufacturing process, such as the deposition of ultzathin oxides. Also, high voltages

antifuse poiysiicon ONG dielectric

n-+ antifuse diffusion
A |

ZA

Figure 8-26 Example of antifuse. A 10-nm-thin layer {< 10 nmj of ONO
{oxide—nitride—oxide} dielectric is deposited between conducting polysilicon
and diffusion layers. The circuit is open by default, unless a large programming
current is forced through it. This causes the dielectric to melt, and a permanent
sonnection with fixed resistance is formed {from [Smith37]).
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{> 10'V) are needed for the programming and erasure of the memory cells. Generating
these high voltages and distributing them through the logic array adds extra complexity to
the design. ’

+ The Volatile or RAM-Based FPGA. This popular approach to programming the logic
array employs volatile static RAM (random-access memory) cells for the storage of the
program. Since these memories lose their stored contents when the FPGA is powered
down, a reloading of the configuration from an external permanent memory 1§ necessary
every time the part is tumed on. To program the component at start-up time, programming
data is shifted serially into the part over a single line (or pin). For all practical purposes,
one can consider the FPGA RAM cells to be configured as a giant shift register during that
period. Once all memories are loaded, normal execution is started. The configuration time
is proportional to the number of programmable elements. This can become excessive for
today’s larger FPGAs, which often feature more than one miilion gates. Recent parts
therefore rely more and more on a parallel programming interface, allowing nmuliple ceils
to be programmed at the sams time,

In contrast to their nonvolatile counterparts, volatile FPGAs do not have special
manufacturing process requirements, and can be implemented in a regutar CMOS process.
In addition, designers can reuse chips during prototyping. Logic can be modified and
upgraded once deployed in the field—a customer can be sent a new configuration file to
upgrade the chip, instead of sending a new chip. In addition, logic can be dynamically
modified on the Ry during execution. The latter approach is called reconfiguration, and it
became quite popular in the late 1990s. In some sense, this brings a paradigm that was
extremely successful in the world of programming (as embodied by the microprocessor) to
the demain of logic design.

As for the first question, the answer is somewhat more extensive. Implementing a complex cir-
cuit in a programmable fashion requires that both the logic functions as well as the interconnect
between them are realized in a configurable fashion. In the coming sections, we first discuss dif-
ferent ways of implementing programmable logic, followed by an overview of programmable
interconnection. Finally, we detail a number of specific ways of putting the two together.

Programmable Logic

Similar to the situation in semicustom design, two fundamentally different approaches towards
programmable logic are currently in vogue: array based and cell based.

Array-Based Programmable Logic Earlier we discussed how a programmable logic array
(PLA) impiements arbitrary Boolean logic functions in a regular fashion (see page 388). A simi-
lar approach can be applied to field-programmable devices as weil. Consider, for example, the
logic structure of Figure 8-27. A circle (0} at an intersection indicates a programmable connec-
tion—that is, an interconnect point that is either enabled or not. An inspection of the diagram
reveals that it is equivalent to a PLA, where both the AND and OR planes can be programmed
by selectively enabling connections. This approach aliows for the implementation of arbitrary
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Figure 8-27 Fuse-programmable logic array (PLA}.

logic functions in a two-level sum-of-products format. The AND plane creates the required min-
terms, while the OR plane takes the sum of a selected set of products to form the outpuis, To
include a given input variable (for instance, /) in a specific minterm, just close the switch at the
intersection of the input signal and the minterm. Similarfy, a2 minterm is included into an output
by closing the appropriate connection in the OR plane. The functionality of PLA is restricted by
the number of inputs, cutputs, aad minterms.

We can envision variations on this theme, some of which are represented in Figure 8-28.
The dot {*) at the intersection of two lines represents a nonfusible, hard-wired link. The first
structure represents the PROM architecture, in which the AND plane is fixed and enumerates all
possible minterms. The second structure, called a programmadle array logic device (PAL), is
focated at the other end of the spectrum, where the OR plane is fixed, and the AND plane is pro-
grammable. The PLA architecture is the most generic one for the implementation of arbitrary
togic functions. The PROM and PAL structures, on the other hand, trade off flexibility for den-
sity and performance. Which structure to select depends strongly on the nature of the Beolean
functions to be implemented. A}l these approaches are generally classified under the common
term of programmable logic devices (or PLDs).

The single-array architecture of the PLA, PROM, and PAL structures in Figure 8-27 and
Figure 8-28 becomes less aftractive in the era of higher integration density. First of all, imple-
menting very complex logic functions on a single, large array results in 2 loss of programming
density and performance. Secondly, the arrays shown implement only combinational logic. To
realize complete, sequential subdesigns, the presence of registers and/or flip-flops is an absolute
requirement. These deficiencies can be addressed as follows:
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Figure 8-28 Aliernative fuse-based pragrammable logic devices (or PLDs).

1. Partition the array into a number of smaller sections, often called macrocells.
2. Introduce flip-flops and provide a potential feedback from output signals to the inputs.

One example of how this car be accomplished is shown in Figure 8-29. The PAL consists of &
macrocells, each of which can select from / inputs and features, at most, j product terms. Each
macrocell contains a single register, which also is programmable—-it can be configured as a I, 7,
J-K, or a clocked 5-R flip-flop. The & output signals are fed back to the input bus, and thus form
a subset of the 7 input signals.

The PLA approach to configurable logic has two distinct advantages:

« The structure is very regular, which makes the estimation of the parasitics quite easy, and
enables accurate predictions of arex, speed, and power dissipation.

= It provides an efficient implementation for logic functions that map well into a two-level
logic description. Funcrions with a large fan-in fall into that eategory. Examples of such
are finite-state machines used in controliers and sequercers.

On the other hand, the array structure has the disadvantage of higher overhead. Every intermedi-
ate node has a sizable capacitance, which negatively affects performance and power. This is
especially true when parts of the array are underutilized—that is, if only some of the minterms
are actively used.

297



8.5 Array-Based implementation Appreaches

programmable AND array 2§ X jkJ »

——— T2 -
- — -
e e \produgty T = = ————

*
k macrocells .
.

J.ﬁk IAI i& e

macrocell

Figure 8-29 GSchematic diagram of a PAL with finputs,
fminterms/macroeell and k macrocells (or outputs) [Smithg7],

409

Example 8.8 Example of Programmed Macrocell

Figure 8-30 shows an example of how to program a PROM module. The structure is pro-
grammed torealize the logical functions used earlier during the discussion on PLAs (Eq. (R.1));

XXy + Xa

fe

Fi = XgXyXp+ Xp + XXy

I X X &

ROM R

o

L]
L

CUU00UD000U00UUT

@ : programmed node v?vv *

NANAF, f,

Figure 8-3¢ Programming a PROM.
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Observe that only a fraction of the array is used as the number of input (3} and out-
put (2) variables are smaller than the dimensions of the 4 % 4 array. Unesed input variables
are tied either to 0 or 1. The farge dots in the cutput planes represent programmed nodes.
The reader is invited to repeat the exercise for the PLA and PAL modules presented in
Figure 828 and Figure 8-29.

Cell-Based Programmabile Logic The sum-of-products approach results in regular structuses,
and is very effective for logic functions that have a large fan-in such as finite-state machines. On
the other hand, it performs rather poorly for logic that features a large fan-out, or that benefits
from a mulilevel logic implementation. (Arithmetic operations such as addition and multiplica-
tion are an example of such). Other approaches can be conceived that are more in line with the
multilevel approach favored in the standard-cell and sea-of-gate approaches.

There are many ways to design a logic block that can be configured to perform a wide
range of logic functions. One approach is to use nudtiplexers as function generators. Consider
the two-input multiplexer of Figure 8-31, which implements the logic function F:

F=A-3+B-5 (8.3

By carefully choosing ihe connections between the variables X and ¥ and the input ports 4, B,
and § of the multiplexer, we can program it to perform ten useful logic operations on one or
more of those inputs {see Figure 8-31).

Configuration
A B S| F=
6 0 0 0
\ 0 ox 1 b'e
A G o ¥ LY
L.__F 0 ¥ X XY
a1 X0 vy
; Y o X | Xy
4/ Yy 1 X [X+Y
S I8 X %
1o vyl ¥
[ 1
{a} {5)

Figure 8-31 Using a two-input multiplexer {a) as a configurable logic block.
By properly connecting the inputs A,8, and S to the input variables Xor Y,
orto G or 1, 10 different logic functions can be obtained (b).
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SG
51

Figure 8-32 Logic cell as used in the Actel fuse-based FPGA.

A number of multiplexers can be combined to form more complex logic gates. Consider, for
example, the logic cell of Figure 8-32, which is used in the Actel ACT family of FPGAs. It consists
of three two-input multiplexers and a two-input NOR gate. The cell can be programmed to realize
any two- and three-input logic functions, some four-input Boolean functions, and a lateh,

Example 8.9 Programmable Logic Cell

Tt can be verified that the legic cell of Figure 8-32 acts as a two-input XOR under the pro-
gramming conditicns that follow. Assume the muitiplexers select the bottom input signal
when the control signal is high. We have the following:
A=1LB=0C=0,D=134A=8B=/nl;:50=51 =/n2
As an exercise, determine the programming required for the two-input XNOR funciion. A
three-input AND gate can be realized as follows:
A= B=l;C=0D=0SA=Mm2;5B=0;,50=5i = In3

Finally, the largest function that can be realized is the four-input multiplexer. 4, 8, €, and
D act as inputs, while 5S4, $8, and (S0 + St} are control signals.

The “multiplexer-as-functional-block™ approach provides configurability through pro-
grammable interconnections. The lookup table (LUT) method employs a vastly different strat-
egy. To configure a fully programmable module with fan-in of i for a specific function, a two-bit
large memaory, calied the lookup table, is programmed to capture the (ruth table of that function.
The input variables serve as control inputs to a multiplexer, which picks the appropriate value
from the memory. The idea is illusirated in Figure 8-33 for a twe-input cell. To implement an
EXOR function, the lookup table is loaded with the output column of the EXOR truth table, this
is “0 1 107, For an input value of “0 07, the multiplexer selects the first value in the table {“0™),
etc. With this approach, any logic function of two inputs can be realized by a simple (reipro-
gramiming of the memory.
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Figure 8-33 Configurable logic celt based on lookup table. {2} cell schematic;
(b) programming the cell to implement an EXOR function.

As in the case of the muitiplexer-based approach, more complex gates can be constructed.
This is accomplished by either combining a number of LUTs, or by increasing the LUT sizes, or
a combination of both. Additional functionality is provided by incorporating Hip-flops.

Example 8.10 LUT-Based Progranunable Logic Cell

Figure 8-34 shows the basic cell, called a Configurable Logic Block or CLB, used in the
Xilinx 4000 FPGA series {Xilinx4000]. It combines two four-input LUTs feeding a three-
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Figure 8-34 Simplified biock diagram of XC4000 Series CLB (RAM and Carry-logic
functions not shown} [Xilinx4000].
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input LUT. The cell features two fip-flops, whose inputs can be any one of the LUT out-
puts £, G, or H, or an extra external input D, and whose outputs are available at the XQ
and Y output pins. The X and ¥ outputs export the outputs of the LUTs and make it possi-
ble to build more complex combinational functions. The cell has four extra inputs
(C1...C4) that either can be used as inpuis or as set/reset and clock-enable signals for the
fiip-flops.

Programmable Interconnect

So far, we have discussed in some depth how to make logic programmable. A compelling ques-
tion is how to make interconnections between those gates changeable or programmable as well.
To fully utilize the available logic cells, the interconnect network must be flexible and routing
bottlenecks must be avoided. Speed is another prerequisite, since interconnect delay tends to
dominate the performance in this style of design. At the same time, the reader shouid be aware
that programmable interconnect comes at a substantial cost in performance in area, perfor-
mance, and power. In fact, most of the power dissipation in field-programmable architectures is
attributable to the interconnect network [GeorzeQ11.

Once again, we can differentiate between mask-programmable, one-time programmable
and reprogrammable approaches. It also is worth differentiating between local cell-to-cell inter-
connections and global signals, such as clocks, that have tc be distributed over the complete chip
with low delay. In the local-area class, programmable wiring can be classified into two major
groupings: array and switchbox routers.

Array-Based Programmable Wiring In this approach, wiring is grouped into routing chan-
nels, each of which contains a complete grid of horizontal and vertical wires. An interconnect
wire can then be programimed into the structure by short-circuiting some of the intersections
between horizontal and vertical wires (see Figure 8-35). This can be accomplished by providing
a pass transistor at each of the cross points. Closing the interconnection means raising the con-
trol signal—by programming a “1” into the connected memory cell M (see Figure 8-36). This
approach is prohibitive and expensive because it requires a large number of transistors and con-
trol signals. Also, the large number of transistors connected to each wire leads to a high fan-out,
translating into delay and power consumption. A fuse is a more effective programmable coanec-
tor. In this approach, each routing channel as a fully connected grid of horizontal and vertical
interconnect wires, and a fuse is blown whenever a connection is not needed. Unfortunately,
mterconnect networks tend to be sparsely populated, which requires the interruption of an exces-
sive number of switches and resulis in prohibitively long programming times.

To circumvent this problem, an antifuse can be used (as in Figure 8-26). Aatifuses only
need to be enabled when a connection is required in the routing channel. This represents a small
fraction of the overall grid. Notice in Figure 8-35 how only two antifuses are needed to set up a
connection, Be aware that this figure hides the programming circuitry. This operation is a one-
time event and canmot be undone. The array-based wiring approach has thus been most success-
ful in the write-once class of FPGAs. Circuit corrections or extensions are not possible, and new
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Figure 8-35 Array-based programmabile witing.

Figure 8-36 Programmable interconnect point. The memory ceil conirols the
interconnection. A stored 0 and 1 mean an open or a closed circuit, respectively.
The memaory cell can be nonvelatile (EEPROM]) or volatile (SRAM).

components are required for every design change. Providing true field (rejprogrammability
requires a more efficient routing strategy.

Switch-Box-Based Programmable Wiring  It’s easy to imagine more efficient programmable-
routing approach once we realize that the fully connected wiring grid represents major overkill.
By restricting the number of routing resources and interconmect points, we can still manage to
wire the desired interconnections, while drastically reducing the overhead. The disadvantage of
this approach is that occasionally an interconnection cannot be routed. Most often, this can be
addressed by remapping the design—for instance, by choosing another group of logic cells for a
given function.

A large number of local interconnections can be accounted for by providing 2 mesh-like mter-
connection between neighboring cells. For instance, the outputs of each logic cell {L.C) can be distrib-
uted to its neighbots o the north, east, south, and west, To account for interconnections berween
disjoint cells or to provide global interconnections, routing channels are placed between the cells con-
taining a Axed number of uncommitted vertical and horizontai routing wires {Figure 8-37). At the
junctions of the horizontal and vertical wires, RAM-programmable switching matrices (S-boxes}) are
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Figure 8-37 Programmable mesh-based interconnact network {Courtesy Andre Dehon
and John Wawrzyniek.}.

provided that direct the routing of the data. Cell inputs and outputs are connected to the global inter-
connect network by RAM-programmable interconnect points {C-box). Figure 8-38 provides a more
detailed view, showing the transistor implernentation of the switch and interconnect boxes. Be aware
that the single pass-transistor implementation of the switches comes with a threshoid-voltage drop.
While advantageous from a power perspective, this reduced signal swing has a negative impact on the
performance. Special design techniques such as zero-threshold devices, level restorers, or boosted
contro! signals might be required.

The mesh architecture provides a flexible and scalable means for coanecting a large num-
ber of componesnts. It is guite efficient for local connections, as the number of switches traversed
by a single interconnection is small and the fan-out is small. However, the mesh network does
not lend itsell weli to global interconnections. The delay caused try the combination of the many

Figure 8-38 Transistor-level schematic diagram of
mesh-based programmable routing network (Courtesy
Andre Dehon and John Wawrzynisk.).
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Figure 8-39 Programmable mesh-based interconnect architecture
with overlaid 2 x 2 grid (Courtesy Andre Dehen and John Wawrzyniek.}.

switches and the large capacitive load becomes excessive. Most mesh-based FPGA architectures
therefore offer alternalive wiring resources that aflow for effective global wiring. One approach
for accomplishing this task is shown in Figure 8-39. In addition to the standard S-box-to-S-box
wiring, the network also includes wires connecting S-boxes that are two steps away from each
other. Eliminating one S-box from an interconnection decreases the resistance. Simifarly, we can
include long wires that connect every 4%, 8, or 16" S-box. What we are creating, in fact, is a
number of overlaying meshes with different granularity (single pitch, double piteh, ete.). Long
wires are, by preference, mapoed on the wiring meshes with the larger pitch.

Putting It All Together

A complete field-programmable gate array can now be assembiled by joining logic-cell and inter-
conmect approaches. Many alternative architectures can be {and have been) conceived. The most
important decision fo make at the start is the configuration siyle {write once, nonvelatile, vola-
tile). This puts some constraints on the types of cells and interconnects that can be used, Giving
a complete overview s out of the scope of this textbook, so we limit ourselves to two popular
architectures, which are illustrative for the field. The interested reader can find more information
in [Trimberger94], [Smith97], [Betz99], and [GeorgeDI].

The Altera MAX Series [Altera0l] The MAX family of devices {(Figure 8-40) belongs to the
class of nonvolatile FPGAs {oftenr called EPLDs, or Electrically Progranmnable Logic Devices).
It uses a PAL module, {as introduced in Figure 8-29) as the basic logic module. The module
{called the Logic Array Block or LAB in Altera language) varies little over the members of the
family: a wide programmable AND array followed by a narrow fixed OR array and programma-
ble inversion. A LAB typically contains 16 macrocells.

The major differentiation lies in the interconnect architecture between the LABs. The
smaller devices (MAXS000, MAX7000) use an array-based routing architecture. The back-
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Figure 8-400 The Altera MAX Architecture. {8) Organization of logic and interconnect;
{b} LAB module; {¢) a MAX family macrocell. The expanders increase the number of
products available by taking another pass through the logic array (from [SmithS7]).

bone of the routing channel is formed by the outputs of all the macrocells, complemented
with the direct chip inputs. These can be connected to the inputs of the LABs through pro-
grammable interconnect points. The advantage of this architecture, called the Programmable
Interconnect Array or PIA, is that it is simple, and the routing delay between the blocks ig
totally predictable and fixed (see Figure 8-41). The disadvantage is that it does not scale very
well, This is why the larger members of the series (MAX9000) have to resort to another
scheme. With the number of macrocells reaching up to 560, the single-channel approach runs
out of steam, and becomes slow. A mesh-based routing architecture has been opted for
instead. Individual macrocells can connect to both row and column channels, which are quite
wide (48 to 96 wires).

The EPLD approach delivers up to 15,000 logic gates, and typically is used when high
performance is a necessity, Other architectures become desirable when more complex functions
have to be implemented.
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Figure 8-41 Interconnect architectures used in the Altera MAX series. {a) Array-based
architecture used in MAX 3003-7000; (b} Mesh architecture of the MAXS8000.

The Xifinx XC40xx Series This popular RAM-programmable device family combines the
lookup table approach for the implementation of the logic cells, with a mesh-based interconnect
network. The largest part in the series (XC4083) supports almost 100,000 gates using a 56 x 56
CL.B array. The architecture of the CL.B was shown in Figure 8-34. An interesting feature is that
the CLB can also be configured as an array of Read/Write memory cells, using the memory
lookup tables in the F* and G’ blocks. Depending on the selected mode, a single CLB can be
confignred as either 2 16 X 2, 32 X 1, or 16 % | bit array, This feature comes in handy, because it
is typical for large modules of lngic to need comparable amounts of storage.

The iatercennect architecture is also quite rich, and combines a wide variety of wiring
resources, as shown in Figure 8-42. The overlaid meshes consist of wire segments of lengths
1,2, and 4. Some components also support direct connections, which link adjacent CLBs with-
out using general wiring resources. Signals routed on the direct interconnect experience mini-
mum wiring delay, as the fan-out is small. These Directs are especially effective in the
implementation of fast arithimetic modules, which feature many critical local connections. To
address global wiring, long Hnes are provided that form a grid of metal interconnect segiments
that run the entire length or width of the array. These are intended for high fan-out, ime-critical
signal nets, or nets that are distributed over long distances (such as buses}. In addition, special
wires are provided for the routing of the clocks.

One topic we have ignored so far in our discussion of configurable array structures is the
input/output architecture. For maximum usability, it is crucial that the I/O pins of the component
are flexible, and that they provide a wide range of options in terms of direction, logic levels, and
drive strengths. One style of input/output block (I0B), used in the XC4000 series, is shown in
Figure 8-43. It can be programmed to act as an input, output, or bidirectional port. It includes a
fiip-fiop that can be programmed to be either edge triggered or level sensitive. The slew-rate

307



8.5 Array-Based Implementalion Approaches 419

Direct
Connect

g 4 g 4
wE Z SSOSNS O NSORNS :
Quad Long Global Long Double Single Global Carry  Direci
Clock Cloek  Chain Cosnect

Figure 8-42 interconnect architecture of the Xilinx XC4040 series. The numbers
annotated on the diagram indicate the amount of each of the resources available.

e e el ; Ensures that the part

! Siow saee l 5’32-‘_’55"“! ! supports multiple voltage
4 comtrol paap : ievels
ﬁﬁ abl-dewn ;
g | ’\Q '_' 1
; E f ‘lip-iiop ;
Ot : B aQ ! 0%1151‘11 ;
i —iCE hutter 1 Taa
Ompg L i g j P> ;
dock 7] i :
E Flig- "
' B ﬂu;;) \\1 —i i
! Jaich Laspu i
1, - - huffer i
'
| Qv £
Clock ! i
' |
i
i

erable | CEL
dook | 1

Figure 8-43 Programmable input/output Block of XC4000 series.

control provides variable drive strengths and aliows for a reduction in the rise—fall time for non-
critical signals.

Example 811 FPGA Complexity and Performance

To get an hmpression of what can be achieved with the volatile field-programmable com-
ponents, consider the Xilinx 4023, It contains approximatety 1000 CLBs organized in a
32 % 32 array. This translates into 2 maximum eguivalent gate count of 25,000 gates. The
chip contains 422 Kbits of RAM, used mostly for programming. A single CLB is specified
to operate at 250 MHz. When taking into account the interconnect network and attempting
more complex logic configurations such as adders, clock speeds between 20 and 50 MHz
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Figure 8-44 Chip microphotograph of XC4025 volaiile FPGA {Courtesy of Xilinx, Inc.}.

are atrinable. To put the integration complexity in perspective, a 32-bit adder requires
approximately 62 CLBs. A chip microphotograph of the XC4023 part is shown in
Figure §-44, The horizontal and vertical routing channels are easily recognizable.

Prewired logic arrays have rapidly claimed a significant part of the logic component marker,
Their arrival has effectively ended the era of logic design using discrete components represented
by the TTL togic family. It is generally believed that the impact of these components is increas-
ing with a further scaling of the technelogy. To make this appreach successful, however,
advanced software support in terms of cell placement, signal routing, and synthesis are required.
Also, one should not ignore the overhead that flexibility brings with it. Programmable logic is at
least 10 times less efficient in terms of energy and performance with respect © ASIC solutions.
Hence, its scope has been mostly restricted to prototyping and smalf-volume applications so fan
Yet, flexibility and reuse are alluring. Field-programmable components are bound to see a sub-
stantial growth in the years tc come.

8.6 Perspective—The Implementation Platform of the Future

The designer of today’s advanced systems-on-a-chip is offered a broad range of implementation
choices. What approach is ultimately chosen is determined by a broad range of factors:
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» performance, power and cost constyaints

» design complexity

» testability

* timne to market, or more precisely, time to revenue

* pneertainty of the market, or late changes in the design
* application range tc be covered by the design

* prior experiences of the design team

A number of these factors seem to imply a trend towards more flexible, programmable compo-
nents that can be reused and that can be modified even after manufacturing, Af the same time,
solotions that offer the best “bang for the buck™ most often end up the winners. Too much flexi-
bility often results in ineffective and expensive solutions, which rapidly end up on the dust heap.
Finding the balance between the two extremes is the ultimate challenge of the chip archiiects of
today.

On the basis of these observations, it seems logical to assume that the implementation
platform of the future will be a combination of the strategies we have discussed in this chapter,
providing implementation efficiency and flexibility when and where needed. The system on a
chip is becoming a combination of embedded microprocessors with their memory subsystems,
DSPs, fixed ASIC-style hardware accelerators, parameterizable modules, and flexible logic
implemented in FPGA style. How these components are balanced is a function of the application
requirements and the intended market.

Example 8.12 Examples of Hybrid Implementation Platforms

Figure 8-45 shows two contrasting #mplementation platforms for wireless applications.
The first device, the Virtex-1I Pro from Xilinx [XilinxVirtex01] is centered around a large
FPGA array. A PowerPC microprocessor is embedded in the center of the array. The pro-
cessor provides an effective implementation approach for application-level functionality
and system-level control. To provide higher performance for signal processing applica-
tions, an array of embedded 18 x 18 multipliers is added. These dedicated components
offer a significant performance, power, and area advaniage over a pure FPGA implementa-
tion of the same function. Finally, a number of very fast 3.125-Gbps transceivers are pro-
vided, allowing for high-speed serial communication off chip.

A somewhat contrasting approach i3 offered in the design of Figure 8-45b
[Zhang(0]. The center of this device is an ARM-7 embedded microprocessor, acting as the
overall chip manager. Functions that need high performance and energy efficiency are off-
loaded to a configurable array of functiopal units such as multipliers, ALUs, memories,
and address generators. These components can be combined dynamically into application-
specific processors. The chip also provides an embedded FPGA array for functions that
need bit-level granularity.
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8.7 Summary

In this chapter, we have briefly scanned the complex world of design implementation straiegies
for digital integrated circuits. New Implementation styles have rapidly emerged over the last few
decades, presenting the designer with a wide variety of options. These design techniques and the
accompanying tools are having a major impact on the way design is performed today, and make
possible the exciting and impressive processors and application-specific circuits to which we
have become so accustomed. We have touched on the following issues in this chapter:

» Custom design, where each transistor is individually handerafted, offers the implementa-
tion from an area and performance perspective. This approach has become prohibitively
expensive, and should be reserved for the design of the few critical modules in which
extreme performance is required, or for often-reused library cells.

» The semicustom approach, based on the standard-cell methoedology, is the workhorse of
today’s digital design industry. The advantage is the high degree of automation, The chal-
lenge is to deal with the impact of deep-subinicron technologies.

* To deal with the increasing complexity of integrated circuits, designers increasingly rely
on the availability of large macrocells such as memories, multipliers, and microprocessars.
These modules are often provided by third-party vendors, and they have spumed a new
industry focused on “inrellectual property”

* Starting a new design for every new emerging application has become prohibitively
expensive. The majority of the semiconductar market now focuses on flexible solutions
that allow a single component to be used for a variety of applications, either through soft-
ware programming or recoahiguration. Configurable hardivare delays the time when the
required function is actuaily committed to the hardware. Different approaches toward late
binding atso have been discussed. Delaying the binding time comes with an efficiency
penaliy: The more flexibility that is provided, the larger the impact on performance and
power dissipaticn.

Undoubtedly, new design styles will come on the scene in the near futwre. Becoming familiar
with the available options is an essential part of the learning experience of the beginning digital
designer. We hope this chapter, although compressed, entices the reader to further explore the
numerous possibilities. One {inal observation is as follows: Even with the increasing antomation
of the digital circuit design process, new challenges are continuously emerging—challenges that
reguire the profound insight and intuition offered only by 2 human designer.

8.8 To Probe Further

The literature on design methodologies and auwtomation for digital integrated circuits has
exploded in the last few decades. Several reference works are worth mentioning:

* ASIC and FPGA design methodologies: [Smith97]
* FPGA architectures: [ Trimberger94], [George(1]
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*» Systen: on a Chip: {Chang99]
*» Design methodology and technology: [Bryant01}
*» Design synthesis: [DeMicheliS4]

State-of-the-art developments in the design automation domain are generally reported in the
IEEE Transactions on CAD, the [EEE Transaciions on VLSI Systems, and the IEEE Design and
Test Magazine. Premier conferences are, among others, the Design Automation Conference
(DAC) and the Internationai Conference on CAD (ICCAD). The web sites of the major Elec-
tronic Design Automation Companies (Cadence, Synopsys, Mentor, etc.) provide a treasure of
information as well.
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DESIGN METHODOLOGY INSERT

E

Characterizing Logic
and Sequential Cells

The challenge of library characterization
Characterization methods for logic cells and registers

Cell parameters

The Importance and Challenge of Library Characterization
The quality of the results produced by a logic synthesis tool is a strong function of the leve!l of
detail and accuracy with which the individual cells were characterized. To estimate the delay of
acomplex module, a logic synthesis program must rely on higher level delay models of the indi-
vidual cells—falling back to a full circuit- or switch-leve!l timing model for each delay estima-
tion is simply not possible because it takes too much compute time. Hence, an important
component in the development process of a standard-cell library is the generation of the delay
models. In previous chapters, we learned that the delay of a complex gate is a function of the
fan-out (consisting of connected gates and wires), and the rise and fall times of the input signals.
Furthermore, the delay of a cell can vary between manufacturing runs as a result of process
variations.

In this insert, we first discuss the models and characierization methods that are commonly
used for logic cells. Segnential registers reguire extra timing parameters and thus deserve a sep-
arate discussion.

427
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Characterization of Logic Cells

Unfortunately, no conumon delay model for standard cells has been adopted. Every vendor has
his own favored methods of cell characterization. Even within a single tool, various delay mod-
els ofien can be used, trading off accuracy for performance. The basic concepts are, however,
guite similar, and they are closely related to the ones we introduced in Chapters 5 and 6. We
therefore opt to concentrate on a single set of models in this section—more precisely, those used
in the Synopsys Design Compiler {DesignCompiler(!], one of the most popular synthesis tools.
Once 2 model has been adopted, it has to be adopted for all the cells in the block; in other wouds,
it cannot be changed from cell to cell.
The total delay consists of four components, as illustrated in Figure E-1:

D},ﬂ;m,ﬁD!‘F'.{}T'i' Ds‘Z“DCa (E‘E)

D, represents the intrinsic delay, which is the delay with no cutput loading. Dy is the transition
component, or the part of the delay caused by the output load. Dy is the fraction of the delay due
to the input slope. Finally, D is the delay of the wire following the gate. All delays are charac-
terized for both rising and falling transitions.

The simplest model for the transition delay is the linear delay model of Chapter 5. We have

D = Rrir:'rer(zcgare + C\;ﬁfre}! (BZ)

where £C,,, is the sum of all input pin capacitances of gates connecled to the output of this
gate, and C,,,, is the estimated wire capacitance. The slope delay Dy is approximated as a linear

function of the fransition delay D of the previous gate, written as
DS = SS DT}»‘&# (.53)
where Sy is the slope-sensirivity factor; and Dy, is the transition delay of the previous stage.

The characterization of a library cell must therefore provide the following components,
each of them for both nising and falling transitions, and with respect to each of the input pins:

D+ Siope deiay. Delay at D Connect delay. Time
input A causcd by the from state transition at C
transition delay at B. to state transition at D.

/ .
) e
= -

{>° / Dy Transition delay.

Dy:Intrinsic delay Incurred ~ Caused by output pin
from cell input to cell output. ;ﬂ?d;“g and output pin
rive.

Figure E-1 Delay components of a combinational gate [DesignCompiler0il.
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* intrinsic delay

* input pin capacitance

* equivalent cutput driving resistance
» slope sensitivity

In addition to the cell models, the synthesis tools also must have access to a wire model.
Since the length of the wires is unknown before the placement of the cells, estimates of C,;,, and
R, are made on the basis of the size of the block and the fan-out of the gate. The length of a
wire is most often proportional to the number of destinations it has 1o connect.

Example E.1 Three-Input NAND Gate Cell

The characterization of the three-input NAND standard cell gate, presented earlier in
Example 8.2, is given in Table E-1. The table characterizes the performance of the cellasa
function of the load capacitance and the input-rise {fall) thme for two different supply volt-
ages and operating temperatures. The cell is designed in a 0.18-um CMOS technology.

Table E-1 Delay characterization of a thres-input NAND gate {in ns)
as a function of the input node for two operation corners (supply-
voltage—temperature pairs of 1.2 V~125°C, and 1.6 V~40°C}.

The parameters are the load capacitance € and the input rise {fall)
time T. (Courtesy ST Microelectronics.)

Path 1.2V-125°C 1.6 V-40°C
fnl—t 0.073 + 7.98C + 0.317T 0.020 + 2.73C + 0.253T
It 0.069 + 8.43C +0.364T 0.018 + 2.14C + 02927
21, 0.101 +7.97C +0.3187 0.026 + 2.38C + 0.2557
12—t 0.007 + 8.42C +0.325T 0.023 + 2.14C + 0.269T
3—t,0y 0.120 + 8.00C +0.3187 0.031 +2.37C + 0.258T
I3ty 0.110 + 8.41C + 0.280T 0.027 + 2.15C + 0.223T

While linear delay models offer good first-order estimates, more precise models are often
used in synthesis, especially when the real wire lengths are back annotated onte the design.
Under those circumstances, noudinear models have to be adopted. The mest common approach
is to capiure the nonlinear relations as lookup tables for each of these parameters. To increase
computational efficiency and minimize storage and characterization requirements, only a lmited
set of loads and slopes are captured, and linear interpolation is used to determine the missing
values.
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Example E.2 Delay Models Using Lookup Tables

A (partial) characterization of a two-input AND cell {AND?2), designed in 2 0.25-m
CMOS technology (Courtesy ST Microglectronics) follows. The delays are captured for
output capacitances of 7 fF, 35 fF, 70 fF, and 140 {F, and input slopes of 40 ps, 200 ps,
800 ps, and 1.6 ns, respectively.

celll AND) {
area : 36
pin(Z} {
direction : output ;
function : "A¥B™;
max_capacitance : 0.14000 ;

timing() {
reiated_pin : A" ; /* delay between input pin A and output pin Z ¥/
cell_rise {
valuss{ "3 10810, 0.17304, 0.24763, 0.39554",\
"0.14881, 0.21326, 0.28778, 0.43607".
"0.25149, (.31643, 0.39060, 0.533805",3
Y0.35253, 0.42044, 0.49596, 0.64469" }; |
rise_transition {
values( "0.08068, 0.23844, 0.430235, 0.84497",\
"0.08447, 0.24008, 0.43926, 0.84814",%
"0.10291, 0.25230, 0.44753, 0.85182",1
"D.12614, 0.27258, 0.4655], (1.86338" );}
cell_fafi(table_13 {
values{ (L1 1655, 0.18476, 026212, 0.41496" A
*0.15270, 0.22015, 0.29735, 0.45039" 1
"0,25893, 0.32845, 0.40535, 0.55701",
"0.36788, 0.44198, 0.52075, 0.67283" };}
fall_transition{table_1) {
values{ "0.06850, 0.18148, 0.32692, 0.62442" \
07183, 0.18247, 032693, 0.62443" %
“0.09608, 0.15935, 033744, 0.62677",3
¥0.12424, 0.22408, 0.35705, 0.63818" );}
intringic_rise : 0.13305 ; /* unioaded delays */
intrinsic_fall - 0.13536;
}
timing(; {
related_pin : "B" ; /* delay between input pin A and output pin 2 %/
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intrinsic_rise : 0.12426;
intrinsic_fall : 0.14802 ;
1
}
pin(A) {
direction © input ;
capacitance : (,.00485 ; /* gate capacitance %/
}
pin(B) {
direction : input ;
capacitance : 0.00519 ;
}
}

Characterization of Registers

In Chapter 7, we identified the three important timing parameters of a register. The setup time
{#,,,} is the time that the data inputs (D input) must be valid before the clock transition {in other
words, the 0 to 1 transition for a positive edge-triggered register). The hold time (t,,,,) is the time
the data input must remain valid after the clock edge. Finally, the propagation delay (7,_,) equals
the time it takes for the data to be copied to the @ output after a clock event, The latter parameter
is illustrated in Figure E-2a.

Laiches have a bit more complex behavior, and thus requive an exwa timing parameter.
While 7o_,, corresponds to the delay of relaunching of data that arrived to a closed latch, 1.
o equals the delay between D and € terminals when the latch is in traosparent mode
(Figure E-2b).

The characterization of the io_, (f5_p) delay is fairly straightforward. It consists of a
delay measurement between the 50% iransitions of Clk () and @, for different values of the
input slopes and the output loads, not unlike the case of combinational logic cells.

ID_Q
T
— B Qi— — 00—
—> Cik — Cik
{{'_.Q fc'_.,Q
{a} {b)

Figure E-2 Propagation delay definitions for sequential components:
{a) register; (b} latch.

320



432 insert E » Characterizing Logic and Sequential Cells

Clk /

-
N ALY
'f
(2}
Z.ﬁSf(;_ /
_Q’ ______ — fC_Q
isu in_ ¢

—
fa
(®)

Figure E-3 Characterization of sequential elements: (a} determining the setup
time of a register; (b) definition of setup and hold times.

The characterization of setup and hold times is more elaborate, and depends on what is
defined as “valid” in the definitions of both setup and hold times. Consider the case of the setup
time. Narrowing the time interval between the arrival of the data at the D input and the Clk event
does not lead to instantaneous failure (as assumed in the first-order analysis in Chapter 7}, but
rather to a gradual degradation in the delay of the register. This is documented in Figure E-33,
which illustzates the behavior of a register when the data arrives close to the setup time. D
changes long before the clock edge, the 1o_, delay has a constant value. Moving the data transi-
tion closer to the ciock edge causes 7, to increase. Finally, if the data changes toe close to the
clock edge, the register fails to register the transition altogether.

Clearly, a more precise definition of the “setup time” concept is necessary. An unambig-
uous specification can be obtained by plotting the 7o_,, delay against the data-to-clock offset,
as shown in Figure E-3b. The degradation of the delay for smaller values of the offset can be
observed. The actual definitien of the setup time is rather precarious. If it were defined as the
minimum D-Clk offset that causes the flip-flop to fail, the logic following the register would
suffer from excessive delay if the offset is close to, but larger than, that point of failure.
Another option is to place it at the operation point of the register that minimizes the sum of the
data-clock offset and the f_g delay. This point, which minimizes the overall flip-flop over-
head, is reached when the slope of the delay curve in Figure E-3b equais 45 degrees
[Stojanovic9d9].
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While custom design can take advantage of driving flip-flops close to their point of
fatlure—and take all the risk that comes with it—semicustem design must take a more conserva-
tive approach. For the characterization of registers in a standard cell library, both setup and hold
times are commeonly defined as data-clock offsets that correspond to some fixed percentage
increase in#o_ ., typically set at 5%, as indicated in Figure E-3b. Note that these curves are dif-
ferent for 0-1 and 1-0 transitions, resulting in different setup (an hold) times for § and 1 values.
As with clock-to-output delays. setup times also are dependent on clock and data slopes, and
they are represented as a two-dimensional table in nonlinear delay models. Identical definitions
hold for latches.

Exampie E.3 Register Setup and Hold Times

In this example, we examine setup and hold behavior of the transmission gate master-slave
register introduced in Chapter 7. (See Figure 7.18.) The register is loaded with a 100-fF
capacitor, and its setup and hold times are examined for clock and data slopes of 100 ps.
The simulation resulis are plotted in Figure E-4. When data settles a “long time” before
the clock edge, the clock-to-output delay equals 193 ps. Moving the data transition closer
to the clock edge causes the 7-_, delay to increase. This becomes noticeable at an offset
between data and clock of about 130 ps. The register completely fails to latch the data
when data precedes the clock by 77 ps. The sum of D-Q offset and the ., is minimal at
93 ps. A 5% increase in fo_ is observed at 125 ps, and this time is entered in the library
as the setup time for this particular slope of data and clock. This characterization of setup
time adds a margin o the design of about 30 ps. From these simulations, we also can
determine that this register has a hold time of -15 ps.
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Figure E-4 Characterization of the clock-to-cutput delay, setup and hold times
of a transmission-gate latch pair.
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Design Synthesis

Cirenit, Logic, and Architectural Syniftesis

One of the most enticing proposais one can make to a designer who has to generate a circuit with
tough specifications in a short time is to offer him a tool that automatically translates his specifi-
cations into a working circuit that meets all the requirements. One of the main reasons that semi-
conductor circuits have reached the mind-boggling complexity they have today, 1s that such
synthesis tools actually exist—at least to a certain extent. Synthesis can be defined as the trans-
formation between two different design views. Typically, it represents a translation from a
behavioral specification of a design entity into a structira! description. In simple terms, it trans-
fates a description of the function a module should perform {the behavior} into & composition—
that is, an imterconnection of elements (the structure). Synthesis approaches can be defined at
each level of abstraction: circuit, logic, and architecture. An overview of the various synthesis
levels and their impact is given in Figure F-1. The synthesis procedures may differ depending on
the targeted implementation style. For example, logic synthesis translates a logic description
given by a set of Boolean equations into an interconnection of gates. The techniques involved in
this process strengly depend on the choice of either a two-level (PLA) or a multilevel (standard-
cell or gate-array) implementation style. We briefly describe the synthesis tasks at each of the
different modeling levels. Refer to [DeMicheli941 for more information and a deeper insight into
design synthesis.
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Figure F-1 A taxonomy of synthesis tasks.

Circuit Synthesis
The task of circuit synthesis is to translate a logic description of a cireuit into a network of tyan-
sistors that meets a set of timing constraints. This process can be divided into two stages:

1. Derivation of transistor schematics from the logic equations, This requires the selection
of a circuit style (complementary static, pass transisters, dynamic, DCVSL, etc.) and the
constraction of the logic network. The former task is usually up to the designer, while the
Iatter depends upon the chosen style. For instance, the logic graph technique introduced in
Design Methodology Insert D can be used to derive the complementary pull-down and
pull-up networks of a static CMOS gate. Similarly, automated technigues have been devel-
oped to generate the pull-down trees for the DCVSL logic style so that the number of
required transistors is minimized [Chu86].

2. Transistor sizing to meet performance consiraints. This has been a recurting subject
throughout this book. The choice of the transistor dimensions hasg a major impact on the
area, performance, and power dissipation of a circuit. We have also learned that this is a
subtie process. For instance, the performance of a gate is sensitive to a number of layout
parasitics, such as the size of the diffusion ares, fan-out, and wiring capacitances. Not-
withstanding these daunting challenges, some powerful transistor-sizing tools have been
developed [e.g., Fishburn85, AMPS9%, NorthropD1]. The key to the suceess of these tools
is the accurate modeling of the performance of the circuit using RC equivalent circuits and
a detailed knowledge of the subsequent layout-generation process. The latter atlows for an
accurate estimation of the values of the parasitic capacitances.
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While circuit synthesis has proven to be a powerful tool, it has not penetrated the design world
as much as we might expect. One of the main reasons for this is that the quality of the cell library
has a sirong influence on the complete design, and designers are reluctant to pass this important
task to automatic tools that might produce inferior results. Yet, the need for ever-larger libraries
and the impact of transistor-sizing on circuit performance and power dissipation is providing a
strong push for a more pervasive introduction of circuit-synthesis tools.

Logic Synthesis

Logic synthesis is the task of generating a structural view of a logic-level model. This model can
be specified in many different ways, such as state-transition diagrams, state charts, schematic
diagrams, Boolean equations, fruth tables, or HDL {(Hardware Description Language}
descriptions,

The synthesis techniques differ according to the nature of the circuit (combinational or
sequential} or the intended implementation architecture {multilevel logic, PLA, or FPGA} The
synthesis process consists of 2 sequence of optimization steps, the order and nature of which
depend on the chosen cost function—ares, speed, power, or a combination of these. Typically,
logic oplimization systemns divide the task into two stages:

1. A rechnology-independent phase, where the logic is optimized using a number of Beolean
or algebraic manipulation techniques.

2. A technology-mapping phase, which takes into account the peculiarities and properties of
the intended implementation architecture. The technology-independent description
resulting from the first phase is translated into a gate netlist or a PLA description.

The rwo-level minimization tools were the first logic-syothesis techniques to become widely
available, The Espresso program developed at the University of California at Berkeley
[Braytongd] is an example of a popular iwo-level minimization program. For some time, the
wide availability of these tools made regular, array-based architectures like PLAs and PALs the
prime cheice for the implementation of random logic functions.

At the same time, the groundwork was laid for sequential or state-machine synthesis.
Tasks involved include the stare minimization that aims at reducing the number of machine
states, and the stafe encoding that assigns a binary encoding to the states of a finite state machine
{DeMicheli04],

The emergence of multilevel logic synthesis environments such as the Berkeley MIS tool
{Brayton8&7] swung the pendulum fowards the standard-cell and FPGA implementations that
offer higher performance or integration density for a majority of random-logic functions.

The combination of these techniques with sequential synthesis has opened the road to com-
plete register-transter (RTL) synthesis environments that take as an input an HDL. description (in
VHDL or Verilog—see Design Methodology Insert C) of a sequential circuit and produce a gate
netlist [Carison®!, Kurapd7]. Saving the logic synthesis has fundamentally altered the digital cir-
cuit design landscape is by no means an understatament. It also is fair to say that the tool set that
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made this major paradigm change in design methodology ultimateiy happen is the Design Com-
piler environment from Synopsys. Even after being in place for almost two decades, Design Com-
piler continues to dominate the market and represents the synthesis tool of choice for the majority
of the digital ASIC designers. Built arcund a core of Boolean optimization and technology map-
ping, Design Compiler incorporates advanced techniques such as timing, area and power oplimi-
zation, cell-based sizing, and test insertion {Kurup%7, DesignCompiler].

Example F.1  Logic Synthesis

To demonstrate the difference between two-level and multilevel legic synthesis, both
approaches were applied to the following full-adder equations, which will be treated in
substantial detail in Chapter 1£.

S=(A®RSC,

{F.1)
C,=A-B+A-C;+8B-C,;

The MIS-II logic synthesis environment was employed for both the two-level and
multitevel synthesis. The minimized truth table representing the PLA implementation is
shown in Table F-1. It can be verified that the resulting network corresponds to the preced-
ing full-adder equations. The PLA counts three inputs, seven product terms, and (wo out-
puts. Observe that no product terms can be shared between the sum and carry outputs. A
NOR-MNOR implemestation requires 26 transistors in the PLA array (17 and 9 in the OR
plane and AND planes, respectively}. This count does not include the input and output
baffers.

Table F-1 Minimized PLA truth table for full adder.
The dashes (-} mean that the corresponding input
does not appear in the product term.

A B C; s C,
i i H i -
L ] i 1 -
g | 0 1 -
i 0 0 i -
i 1 - - i

327



insert F + Design Synihesis 439

Figure F-2 shows the muliilevel implementation as generated by MIS-II. In the technol-
ogy-mapping phase, a generic standard-cell library was targeted. Implementation of the adder
reguires only six standard cells. This corresponds to 34 (!} transistors in a static CMOS imple-
mentation.' Obsexve the usage of complex logic gates such as EXOR and OR-AND-INVERT.
For this case study, minimization of the area was selected as the prime optimization target, Other
implementations can be obtained by targeting performance instead. For instance, the critical im-
ing path from C; to C, can be reduced by signal reordering. This requires the designer to identity
this path as the most critical, a fact that is not obvious from a simple inspection of the full-adder
equations.

_ :Cell bouadary

Figure F-2 Standard-cell implementation of fuil adder, as
generated by muliilevel logic synthesis,

Architeeture Synthesis

Architecture synthesis is the latest development in the synthesis area. It is also referred to as
behavioral or high-level synthesis. Its task is to generate a structural view of an architecture
design, given a behavioral description of the task to be executed, and a set of performance, area,
and/or power constraints. This corresponds to determining what architectural resources are
needed to perferm the task (execution units, memories, busses, and controllers}, binding the
behavioral operations to hardware resources, and determining the execution order of the opera-
tions on the produced architecture. In synthests jargon, these functions are called allocation,
assignment, and scheduling {Gajski92, DeMicheli94]. While these operations represent the core
of architecture synthesis, other steps can have a dramatic impact on the quality of the solution.
For example, optimizing transformations manipulate the initial behavioral description so that a
saperior solution can be obtained in terms of area or speed. Pipelining is a typical example of
such a wansformation. In 2 sense, this component of the synthesis process is simitar to the use of
optimizing transformations in software compilers.

'How to inplement 2 static complementary CMQS EXOR gate with only nine transistors is Ieft as an exercise for the
reatler.
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Example F.2  Architecture Synthesis

To ittustrate the concept and capabilities of architecture synthesis, consider the simple
computational flowgraph of Figure F-3. It describes a program that inputs three numbers
a, b, and ¢ from off-chip and produces their sum x at the output.

Two possible implementations, as generated by the HYPER synthesis system
([Rabaey213}, are shown in Figure F-4. The first instance requires four clock cycles and

input] C

input!

input|_ a_

input! s
i > b

input b ’;gm,

" P2 i m—

iput

outnty
outpul

Figure F-3 Simple program performing the sum of three numbers,
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Figure F-4 Two alternative architecturas implamenting the sum program.
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time-shares the input bus as well as the adder. The second architecture performs the pro-
gram in a single clock cycle, To achieve this performance, it was necessary to pipeline the
algorithm; that is, multiple iterations of the computation overtap. The increased speed
translates as expected to a higher hardware cost—one extra adder, exira registers, and a
more dedicated bus architecture, including three input ports. Both architectures were pro-
duced automatically, given the behavioral description and the clock-cycle constraint. This
includes the pipelining transformation.

While architecture compilers have been extensively researched in the academic commu-
nity {e.g., [DeManB6], [Rabaey91]), their overall impact has remained hmited. Commercial
introductions have been largely unsuccessful. A number of reasons for this siow penetration can
be enumerated:

« Behavioral synthesis assumes the availability of an established synthesis approach at the
register-transfer level. This has only recently come to a widespread acceptance. In addi-
tion, the discussion about the appropriate input language at the behavioral level has cre-
ated a lot of confusion. The emergence of widely accepted input languages such as
SystemC can change the momentum.

» For a long time, architecture synthesis has concentrated on a limited aspect of the overail
design process. The impact of interconnect on the overall design cost, for example, was
fong ignored. Also, limitations on the architectural scope resalted in inferior solutions
apparent to every experienced designer.

« Most importantly, the revolutionary advent of the system-on-a-chip has outstripped the
evolutionary progress of the synthesis world. The hybrid nature of embedded system
architectures that combine embedded processors with ASIC accelerators uitimately limits
the nsability of architectural synthesis. Current logic and sequential synthesis tools proba-
biy suffice for the accelerators, The challenge has shifted to the synthesis of the software
that runs on the ernbedded processors, chip-level cperation systems, driver generators,
interconnect network synthesis, and architectural exploration.

Notwithstanding these observations, architectural synthesis has proven tc be very successfulin a
number of application-specific areas. The design of high-performance accelerator units in areas
such as wireless communications, storage, imaging, and consumer clectronics has bencfited
greatly from compilers that transiate high-level algorithmic functions into hard-wired dedicated
selutions.

Example F3 Architectural Synthesis of Wireless-Communications Processor [Silva01]

An advanced baseband processor for a wireless modem is generated automatically from a
high-level description in the Simulink epvironment {([Mathworks(1]}). Simulink and
Mathlab are tools used extensively in the world of communications design. Capturing the
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Figure F-5 Architectural synthesis of wireless baseband processor from Simulink {a) to silicon
(). The core area of the chip, which is pad limited, measures only 2 maé in a 0.18 um CMOS tech-
nology, and counts 600,000 iransistors. The high transistor density (0.3 transistorium®) demon-
strates the sffectiveness of today’s physical design tools.

331



Insert F + Design Synthesis 443

design specifications in that environment is a major help in bridging the chasm between
systems and implementation engineer, The translation process from Sinwdink to imple-
mentation is managed by the “Chip-in-a-day” design envivonment [Davis01]. This tool
manages the synthesis of the individual blocks from behavior to gate level, introduces the
chip Acorplan, performs the clock iree generation, and oversees the execution of the phys-
ical synthesis. The overall generation and verification process takes little more than 24
hours. A similar approach has also proven to be very successful in the mapping of high-
level signal-processing functions on rapid-prototyping plaiforms such as FPGAs. The Sys-
tem Generator tool from Xilinx, Inc, for instance, maps modules such as filters, modula-
tors, and correlators, described in the Mathworks Simulink envirommnent, directly onto an
FPGA meodule [SystemGenerator].

To Probe Further
Feor an in-depth overview of design synthesis, plense refer to {DeMicheli94].
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10.6 Clock Synthesis and Synchronization Using a Phase-Locked Loop”
10.8.1 Basic Concept
10.6.2 Building Blocks of a PLL
10.7 Future Directions and Perspectives
10.7.1 Distributed Clocking Using DLLs
10.7.2 Optical Clock Distribution
10.7.3 Synchronous versus Asynchronous Design
10.8 Summary
10.8 To Probe Furiher

10.1 iIntroduction

All sequential circuits have one property in common—a well-defined ordering of the switching
events must be imposed if the circuit is to operate correctly. If this were not the case, wrong data
might be written into the memory elements, resulting in a functional failure. The synchronous
system approach, in which all memory elements in the system are simultanecusly updated using
a globally distributed periodic synchronization signal {that is, a global clock signal), represents
an effective and popular way to enforce this ordering. Punctionality is ensured by imposing
some strict constraints on the generation of the clock signals and the#r distribution to the mem-
ory elements distributed over the chip; noncompliance often leads to malfunction.

This chapier starts with an overview of the different timing methodologies. The majority
of the text is devoted to the popular syachrorous approach. We analyze the impact of spatial
variations of the clock signal, called clock skew, and temporal variations of the clock signal,
called clock jitter, and introduce techniques to cope with both. These variations fundzmentally
limit the performance that can be achieved using a conventional design methodeology.

At the other end of the spectrum is an approach called asynchronous design, which avoids
the problem of clock uncertainty altogether by eliminating the need for globally distributed
clocks. After discussing the basics of asynchronous design approach, we analyze the associated
overhead and identify some practical applications. The important issue of syncihwonization
between different clock domains and interfacing between asynchronous and synchronous sys-
tems also deserve in-depth treatment. Finally, the fundamentals of on-chip clock generation
using feedback are introduced, along with trends in timing.

10.2 Timing Classification of Digital Systems

In digttal systems, signals can be classified depending on how they are related to a local clock
[Messerschmit903[Dally98). Signals that transition only at predetermined periods in time can
be classified as synchronous, mesochronous, or plesiochronous with respect to a system clock. A
signal that can transition at arbitrary times, on the other hand, is considered asyncitronous.

10.2.1 Synchronous Interconnect

A synchronous signal is one that has the exact same frequency as the local clock and maintains a
known fixed phase offset to that clock. In such a timing framework, the signal is “synchronized”
with the clock, and the data can be sampled directly without any uncertainty. In digital logic
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Figure 10-1 Synchronous interconnect methodology.

design, synchronous systems are the most straightforward type of interconnect. The flow of data
in such a cireuit preceeds in lockstep with the system clock, as iflustrated in Figure 10-1.

Here, the input data signal fz is sampled with register R, to produce signal €, which is
synchronous with the system clock, and then it is passed zlong to the combinational fogic block.
After a suitable setting period, the output C,,, becomes valid. Its value is sampled by R, which
synchronizes the output with the clock. In a sense, the certainty period of signal C,,—the
period during which data are valid—is synchronized with the system clock. This allows register
R, to sample the data with complete confidence. The length of the uncertainty period, or the
periad during which data are not valid, places an upper bound on how fast a synchrenous
system can be clocked.

10.2.2 {Mesochronous Interconnect

A mesochronous signal—neso s Greek for “middle”---is a signat that not only has the same fre-
quency as the local clock, but also has an unknown phase offset with respect to that clock. For
example, if data are being passed between two different clock domains, the data signal transmit-
ted from the first module can have an ucknown phase relationship to the clock of the receiving
module. In such a system, it is not possible 1o directly sample the output at the receiving module
hecause of the uncertainty in the phase offset, A (mesochronous} synchronizer can be used to
synchronize the data signal with the receiving clock, as shown in Figure 10.2. The synchronizer
serves 1o adjust the phase of the received signal to ensure proper sampling. :

In Figure 10-2, signal D, is synchronous with respect to (lk,. However, I3, and 12; are
mesochronous with Clk, because of the unknown phase difference between Clk, and Ciky and
the unknown interconnect delay in the path between Block A and Block B. The role of the syn-
chronizer is to adjust the variable delay line such that the data signal D; {(a delayed version of
D,) is aligned properly with the system clock of Block B. In this example, the variable delay ele-
ment is adjusted by measuring the phase difference berween the received signal and the local
clock. Register R, samples the Incoming data during the certainty period, after which the signal
[ becomes synchronous with Clk,.

10.2.3 Piesiochronous Interconnect

A plesiochronous signal is one that has a frequency that is nominally the same as that of the local
clock, yet is slightly different. (In Greek, pfesio means “near’”) This causes the phase difference
to drift in time. This scenario can easily arise when two interacting modules have independent
clocks generated from separate crystal oscillators. Since the transmitted signal can arrive at the
receiving module at a different rate than the local clock, one needs to utilize a buffering scheme
toensure that all data are received. Typically, plesiochronous interconnect cceurs only indistributed
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Figure 10-3 Plesiochronous communications by using a FIFO.

systems that contain long-distance communications, since chip- or even board-level circuits typ-
icaily utilize a commeon osciltator to derive local clocks. A possible framework for plesiochronous
interconnect is shown in Figure 10-3.

In this digital communications framework, the originating module issues data at some
unknown tate C), which is plesiochroncus with respect to C,. The timing recovery unit is
responsible for deriving clock C; from the data sequence and buffering the data in a FIFO. As a
result, C; will be synchroneus with the data at the input of the FIFO and wili be mesochronous
with C;. Since the clock frequencies from the originating and receiving modules are mis-
matched, data might have to be dropped if the transmit frequency is faster, or data can be dupli-
cated if the transmit frequency is slower than the receive frequency. However, by meking the
FIFO large enough, as well as periodically resetting the system whenever an overfiow condition
occurs, robust comimunication can be achieved.

10.2.4 Asynchreonous Interconnect

Asynchronous signals can transition arbitrarily at any time, and they are not slaved o any local
clock. As a result, it is not straightforward to map these arbitrary transitions into a synchronized
data stream. It is possible to synchronize asynchronous signals by detecting events and by intro-
ducing latencies into the data stream synchronized to a local clock. A more natural way to han-
dle asynchronous signals, however, is simply to eliminate the use of local clocks and utilize a
seH-timed asynchronous design approach. In such an approach, communication between med-
ules is controlled through a handshaking protocol that ensures the proper ordering of operations.

When a logic block complefes an operation (Figure 10-4), it wili generate a completion
signal DV to indicate that output data are valid. The handshaking signals then imitiate a data
transfer to the next block, which latches in the new data and begins a new computation by assert-
ing the initialization signal /. Asynchronous designs are advantageous because computations are
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Figure 10-4 Asynchronous design methodclogy for simple

pipeling interconnect.
performed at the native speed of the logic, and block computations occur whenever data become
available. There is no need to manage clock skew, and the design methodology leads to a very
modular approach in which interaction between blocks simply occurs through a handshaking
procedure, However, these protocels result in increased complexity and overhead in communi-
cation, which impacts performance.

10.3 Synchronous Design—An In-Depth Perspective

10.3.1 Synchronous Timing Basics

Yirtually ali systems designed today use a periodic synchronizarion signal or clock. The genera-
tion and distribution of 2 clock has a significant impact on the performanee and power dissipa-
tion of the system. For the time being, let us assume a positive edge-triggered system, in which
the rising edge of the clock denotes the beginning and completion of a clock eyele. In an ideal
world, the phase of the clock (i.e., the position of the clock edge relative to the reference)} at var-
ious points in the system iz exactly equal, assuming that the clock paths from the central distri-
bution point to each register are perfectly balanced. Figure 10-5 shows the basic structure of a
synchronous pipelined datapath. In the ideal scemario, the clocks at registers 1 and 2 have the
same period and transition at the exact same time,
Assume that the following timing parameters of the sequeniial circuit are available:

* The contamination or minimum delay {f _, ., and the maximum propagation delay of the
register (ft._q).

» The setup {#,,,) and hold times (1) for the registers.
* The contamination delay (.. .,) and the maximum delay (7,,;.) of the combinational logic.
* The positions of the rising edges of the clocks CLK and CLK, (¢, and ¢ ., respectively),

relative o a global reference,

In
e
CLE T feru, chagg
{c«; riag;‘c
i aed 4 ogic,od
f.s‘r{, Lhotd

Figure 180-5 Pipelined datapath circuit and timing parameters.
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Under the ideal condition that £, = f,4,, the minimum clock period required for this sequential
circuit is determined solely by the worst case propagation delays. The period mast be long
enough for the data to propagate through the registers and logic and to be set up at the destira-
tion register before the next rising edge of the clock. As we saw in Chapter 7, this consiraint is
given by the following expression:

T g% tagic Hen (10.1)

q

At the same time, the hold time of the destination register must be shorter than the minimom
propagation delay through the logic network:

Dpotd <1o_ i, od + t!ﬂgic, cd (1{)-2)

Unforiunately, the preceding analysis is somewhat simplistic, since the clock s never ideal. The
different clock events turn out to be neither perfectly periodic nor perfectly simultaneous. As a
result of process and environmental variations, the clock signal can have both spatiel and tempo-
ral variations, which lead to performance degradation and/or circuit malfunction.

Clock Skew

The spatial variation in arrival time of a clock transition on an integrated circuit is commonly
referred to as clock skew. The clock skew between two points 7 and jon an IC is given by 8 (i, /3 =
t; — t; where #; and t;are the positions of the fising edge of the clock with respect to the reference.
Consider the transfer of data between registers R1 and R2 in Figure 10-3. The clock skew can be
positive or negative depending upon the routing direction and position of the clock source. The
timing diagram for the case with positive skew is shown in Figure 10-6. As the figure illustrates,
the rising clock edge is delayed by a positive & at the second register,

Clock skew is caused by static mismatches in the clock paths and differences in the clock
load. By definition, skew is constant from cycle to cycle. That is, if in one cycle CLK; Jagged
CLK, by &, then on the next eycle, it will lag it by the same amount. It is important to nofe that
clock skew does not result in clock period variation, but only in phase shift.

The clock-skew phenomenon has strong implications for both the performance and the func-
tionality of sequential systems. First, consider the impact of clock skew on performance. We can
see from Figure 10-6 that a new input /n sampled by R1 at edge @ will propagate through the com-

j TCL i 3
Teix
CLK, @ 9
5
>
CLE, ay @
A

Figure 106 Timing diagram to study the impact of clock skew on performance
and functionality. in this sample timing diagram, 5 > 0.
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binational logic and be sampled by R2 on edge @. If the clock skew is positive, the time available
for a signal to propagate from R to R2 is increased by the skew & The output of the combinational
logic must be valid one setup time before the rising edge of CLK, (point @). The constraint on the
minimum clock period can then be derived as follows:

T+821,_ + e +ig, or Tzi, +t,,—0 (10.3)

- tf + t#ng;’e st

This equation suggests that clock skew actually has the potential to improve the perfor-
mance of the circuit. That is, the minimum clock period required to operate the circuit reliably
reduces with increasing clock skew! This is indeed correct, but unfortunately, increasing skew
makes the circuit more susceptible to race conditions, which may harm the correct operation of
sequential systems,

This can be illustrated by the following example: Assume again that input f is sampled on
the rising edge of CLK at edge @ into R1. The new value at the output of R1 propagates through
the combinational logic and should be valid before edge @ at CLK,. However, if the minimum
delay of the combinational logic block is small, the inputs to R2 may change before the clock
edge @, resulting in incorrect evaluation. To avoid races, we must ensure that the minimum
propagation delay through the register and logic is long enough that the inaputs to B2 are valid for
a hold time after edge @. The constraint can be formally stated as

8+ Ihg!e? < f[(:—q‘, cd) + f(i@gi’f_‘,cd)

or {104)

8< r(n:'— o, cd} + Z(iogir, cd} ™ Lrotd

Figure 10-7 shows the timing diagram for the case in which & < 0. For this case, the rising
edge of CLK, happens before the rising edge of CLK|. On the rising edge of CLK, a new input
is sampled by R1. The new data propagate through the combinational logic, and they are sam-
pled by R2 on the rising edge of CLK,, which corresponds to edge @. As Figure 10-7 and Eq.
(10.3) clearly show, a negative skew adversely impacts the performance of a sequential system.
However, assuming £, + 8 <7, oty + fogic, cap & NEZative skew implies that the system never
fails, since edge @ happens before edge ®!

Teg+ 8
Torx i
cik, |@ @
cLk, @ -? @

Figure 10-7 Timing diagram for the case when § < 0. The sising edge
of CLK, arrives eattier than the edge of CLK,,.
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Figure 10-8 Positive and negative clock skew scenarios.

Example scenarios for positive and negative clock skew are shown in Figure 16-8.

* § > 0—This corresponds to a clock routed in the same direction as the flow of the data
through the pipeline (Figure 10-8a). In this case, the skew has to be strictly controlled and
satisfy Bq. . If the constraint is not met, the circuit maifunctions independently of the
clock period. Reducing the clock frequency of an edge-triggered circuit does not help get-
ting around skew problems! It is therefore necessary to satisfy the hold-time constraints at
design time. On the other hand, positive skew increases the through put of the circuit as
expressed by Eq. (10.3). The clock period can be shortened by 8. The extent of this
improvement is limited, as large values of & scon provoke violations of Eq. .

* § < —When the clock 15 routed in the opposite direction of the data (Figure 10-8b), the
skew is negative and provides significant immunity to races; if the hold time is zero or
negative, races are eliminated because Bq. is unconditionally met! The skew reduces the
time available for actual computation so that the clock period has to be increased by [8]. In
summary, routing the clock in the oppesite direction of the data avoids disasters, but ham-
pers the circuit performance.

Unfortunately, since a general logic circuit can have data flowing in both directions (for
example, circuits with feedback), this solution to eliminate races dees not always work.
Figure 10-9 shows that the skew can assume both positive and negative values, depending on the
direction of the data transfer. Under these circumstances, the designer has to account for the
worst case skew condition. In general, routing the clock so that only negative skew occurs is not
feasible. Therefore, the design of a low-skew clock network is essential,
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Figure 10-8 Datapath structure with feedback,

Example 10.1 Propagation and Contamination Delay Estimation

Censider the logic network shown in Figure 10-10. Determine the contamination and
propagation delays of the network, given a worst case gate delay of #,,.,. We also assume
that the maximum and minimum delays of the gates are identical.

The contanunation delay is easily found; it equals 2., and is the delay through
(R, and O&,. On the other hand, computation of the worst case propagation delay is not
as simple. At first glance, it would appear that the worst case corresponds to path @, and
its delay is 5¢,,,. However, when analyzing the data dependencies, it becomes obvious
that path @ can never be exercised. Path ® is called a false path. [T A = |, the critical path
goes through OR, and OR,. If A =0 and B = {, the critical path is through £, OR, and OR,
(corresponding to a delay of 3¢,,,.). For the case in which A = 0 and B = |, the Iengest path
goss through 1), OR,, AND; and OR,. In other words, for this simple {but contrived) net-
work, the output does not even depend on inputs ¢ and D {that is, there is redundancy).
Therefore, the actual propagation delay is 41,,,,. Given the propagation and contamination
delay, the minimum and maximum allowable skew can be easily computed.

ath(@
A ; ‘[—-\\p

_B I,:;] N OR; po --"-—--—--—ORZ Cil
z path D)
AND,
AND, |ANDs

Figure 16-10  Logic network for computation of performance.
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WARNING: The computation of the worst case propagation delay for combinational logic, due
to the existence of false paths, cannot be ebtained simply by adding the propagation delays of
individual logic gates. The critical path is‘strongiy dependent on circuit wopelogy and data
dependencies.

Clock Jitter

Clock jitter vefers 1o the temporal variation of the clock peried at a given point on the chip—that
is, the clock period can reduce or expand on a cycle-by-cycle basis. It is strictly a temporal
uncertainty measure, and it is often specified at a given point. Jitter can be measured and char-
acterized in a number of ways and is a zero-mean random variable. The absoluie jitter (1;,,,)
refers to the worst case variation (absolute value) of a clock edge at a given location with respect
to an ideally periodic reference clock edge. The cycle-to-cycle jitter (T, typically refers to the
time-varying deviations of a single clock period relative tc an ideal reference clock. For a given
spatial location 7, itis given as T {0) = ' g g — ¥y — Topg Where £y, yand g represent
the arrival ime of the 7 + 1™ and the »" clock edges at node i, respectively, and Ty ¢ is the nom-
inal clock period. Under the worst case conditions, the magnitude of the cycle-to-cycle jitter
equals twice the absolute jitter (2r,, ).

Jitter directly impacts the performance of a sequential system. Figure 10-11 shows the
nominal clock period, as well as the variation in period. Ideally, the clock period starts at edge @
and ends at edge &, with a nominal clock period of 7 ;. However, the worst case scenario hap-
pens when the leading edge of the current clock period is delayed by jitter {edge ®), while jitter
causes the leading edge of the next clock period to cccur early (edge @). As a result, the total
time available to complete the operation is veduced by 2 in the worst case and is given by

{10.5}

Ijr’l‘zer
TC,{,K - 2{;'??!6!‘ = "z;'-q + {kgéc + i or Tz r|r:—q + Ifagic F it ijfi;er'
Equation (10.5) illustrates that jitter directly reduces the performance of a sequential circuit,
Keeping it within strict bounds is essential if one is concerned about performance.
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Figure 10-11  Cireuit for studying the impact of jitter on perfarmance.
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The Combined Impact of Skew and Jitter
In this section, the combined impact of skew and jitter is studied for conventional edge-triggered
clocking. Consider the sequential circuit shown in Figure 10-14,

Assume that as a result of the clock distribution, there is a static skew 8 between the clock
signals at the two registers (assume that & > D). Furthermore, the two clocks experience a jitter of
finer- [0 determine the constraint on the minimum clock peried, we must look at the minimum
available time to perform the required computation. The worst case oceurs when the leading
edge of the current clock period on CLK, happens late (edge @) and the leading edge of the next
cycle of CLK, happens early (edge @). This results in the following constraint:

TC,{.K + 8 o ?‘{;‘;‘rrm- 2 zc»-q + ff:sgic + ?;‘z{
or (10.6)
T20, el =D+ 20,

Ccoir Jitter

This equation iltustrates that positive skew can provide a performance advantage. On the other
hand, jitter always has a negative impact on the minimum clock period.'

To formulate the minimuim delay consiraint, consider the case in which the leading edge of
the CLK| cycie amives early (edge @), and the leading edges the current cycle of CLK,; awives
fate (edge @). The separation beiween edges @ and ® should be smaller thar the minimum
delay through the network. This results in

6 + Eim{{f + 2{3{’!1{‘)' < j.{CA 4, cd¥ + al[loz;i{‘, o}
or (10.7)

d< ;{5 ~ g, i} + {{iogz‘c. cdd T Thetd — ijif.’c’r
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TCLK + 8 _(_3}_‘; o
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CLK, ) Fiier
@ ®©®@
CLK, i Wi

0LO, ol
Figure 10-12 Segusnce circuit with a negative clock skew {6).
The skew is assumed to be larger than the jiter.

'This anatysix is definitely for the worst case. [t assemes that the jitter values a2 the souree and the destination nodes ase inde-
pendent satistical variables. In reality, the clock edges involved ik the hold-time analysis ave derived from the same clock
edge and are stalisticaily dependent. Taking this dependence ite account reduces the timing consfraints substantially.
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Figure 10-13 Skew and jitter scurces in synchrenous clock distribution.

This relation indicates that the acceptable skew is reduced by the jitter of the two signals.
Now consider the case in which the skew is negative {8 < (), as shown in Figure 10-12,
Assume that 3] > tiner- 1t can be verified that the worst case timing is exactly the same as in the

previous analysis, with 8 taking a negative value. That is, negative skew reduces performance.

10.3.2 Sources of Skew and Jitter

A perfect cfack is defined as a pericdic signal that simultaneonsly triggers various memory ele-
ments on the chip. However, due to a variety of process and environmental variations, clocks aze
not ideal. To illustrate the scurces of skew and jitter, consider a simplistic view of a typical clock
generation and distribution netwerk, as shown in Figure 10-13. A high-frequency clock is either
provided from off chip or generated on chip. From a central point, the clock is distributed using
multiple mafched paths to low-level sequential elements. In this picture, two paths are shown,
The clock paths include the wiring and the associated distributed buffers required {o drive inter-
connect and loads. A key point to realize in clock distribution is that the abselute delay threugh
a clock distribution path is not important; what matters is the relative arrival time at the regis-
ter peints at the end of each path. It is perfectly acceptable for the clock signal to take multiple
cycles to get from a central distribution point to a low-level register as jong as all clocks arrive at
the same time at all the registers on the chip.

There are many reasons why the two parailel paths don’t result in exactly the same delay.
The sources of clock uncertainty can be classified in several ways. First, etrors can be divided
into two categories: svstematic and random. Systematic errors are nominally identical from chip
to chip and are predictable (for instance, variation in total Joad capacitance of each clock path).
In principle, such errors can be modeled and corrected at design time, given sufficiently good
nmodels and simulators. Short of that, systematic errors can be deduced from measurements over
a set of chips, and the design can be adjusted to compensate. Randor errors are due to manufac-
turing variations that are difficult to model and eliminate (for instance, dopant fluctuations that
result in threshold variations).

Mismatches may also be characterized as stazic or time varying. In practice, a continuum
exists between changes that are slower than the time constant of interest and those that are faster.
For exampie, temperature gradients on a chip vary on a millisecond fime scale. A clock network
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Figure 10-14 Seguential circuit to study the impact of skew and jitter
on edge-triggered systems. in this example, a positive skew {8} is assumed.

tuned by a one-time calibration is vulnerable to the time-varying mismatch caused by the vary-
ing thermal gradients. On the other hand, thermal changes appear essentially static (o a feedback
network with a bandwidth of several megahertz. Another example is fielded by power-supply
noise. The clock net is usually by far the largest signal net on the chip, and simultaneous transi-
tions on the clock drivers induce noise in the power supply. This high-speed effect does nol cre-
ate a time-varying mismatch, because it is the same at every clock cycle and affects each rising
clock edge the same way. Of course, this power-supply glitch may still cause static mismatch if
it is not the same throughout the chip. The various sources of skew and jitter introduced in
Figure 10-13 are described and characterized in detail in the sections that follow,

Clock-Signal Generatien (1}

The generation of the clock signal itsel{ causes jitter A typical on-chip clock generator, as
described at the end of this chapter, fakes a low-Trequency reference clock signal and produces a
high-frequency global reference for the processor. The core of such a generator is a volrage-
contrafled oscillator (VCO). This is an analog circuit, sensitive to mirinsic device noise and
power-supply variations. A major problem: is the coupling from the surrounding noisy digital cir-
cuitry through the subsirate. This is especially a problem io modern fabrication processes that
use a lightly doped epitaxy on the heavily doped substrate {to combat lateh up). This causes sub-
sirate noise to travel over large distances on the chip [ManeatisO0]. These noise sources cause
temporal variations in the cloek signal that propagate unfiltered through the clock drivers to the
flip-flops, and result in eycle-to-cycle clock-period vaviations.

Manufacturing Deviee Variations (2)

Distributed buffers are integral components of the clock distribution networks. They are required
to drive both the register loads and the global and local interconnects. The matching of devices in
the buffers along multiple clock paths is critical to minimizing timing uncertainty. Unfortunately,
as aresult of process variations, device parameters in the buffers vary along different patis, result-
ing in static skew. There are many sources of variations that contribute, such as oxide variations

346



504 Chapter 10 » Timing issues in Digital Gircuits

{which affect the gain and threshold), dopant variations, and iateral dimension (width and length)
variations. The doping variations can affect the depth of junction and dopant profiles and cause
electrical parameters {such zs device threshold and parasitic capacitances) to vary.

The orientation of poiysilicon also can have some impact on the device parameters. Keep-
ing the orientation the same across the chip for the clock drivers is therefore critical. Variation in
the polysilicon critical dimension is particularly important, because it translates directly into
MOS transistor channel length, impacting the drive current and switching characteristics. Spatial
variation usuaily consists of a wafer-level (or within-wafer} variation and a die-level {or within-
die) variation. At least part of this variation is systematic and therefore can be modeled and com-
pensated for. The random variations, however, ultimately limit the matching and lower bound of
the skew that can be achieved.

Interconnect Variations (3}

Vertical and lateral dimension variations cause the interconnect capacitance and resistance to
vary across a chip. Since this variation is static, it causes skew between diffcrent paths. One
important source of interconnect variation is the Inter-layer Dielectric {ILD} thickness variation,
It the formation of aluminum interconnect, layers of silicon dioxide are interposed between lay-
ers of patterned metallization. Oxide is deposited over a layer of patterned metal features, gener-
ally resulting in some remaining step height or surface topography. Chemicalonechanical
polistiing (CMP) is used to “planarize” the surface and remove the topography resulting from
deposition and etch (as described in Chapter 3 and shown in Figure 10-15a). While at the fea-
ture scale (i.e., over an individual metal line), CMP can achieve excellent planarity, there are
limitations on it over a global range. This is due primarily to variations in the polish rate, which
is & function of the circuit layout density and pattern effects. Figure 10-15b shows this effect.-
the polish rate is higher for the lower-spatial-density region, resulting in a smaller dielectric
thickness and higher capacitance.

The assessment and control of variation is of critical importance in semiconductor process
development and manufacturing. Significant advances have been made to develop analytical
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Figure 10-15 Inter-lsvel Dielectric {ILD) thickness vasiation due o density
{Courtesy of Buane Boning.).
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models for estimating the ILD thickness variations, based on spatial density. Since this compo-
nent is often predictable from the layout, it is possible to actually correct for the systematic com-
ponent at design time (e.g., by adding appropriate delays or making the densiiy uniform by
adding “dummy fills”). Figure 10-16 shows the spatial pattern density and ILID thickness for a

Metal & Fattoms Density

4%

Fateeen Censity (%)

¥ [enicross)

LD Trickness Setween Metal 5 and Meil &

$.3% -]

4
@
z

ILER thickness (micrans)

¥ (micropal

X(migrans}

Figure 10-18 Pattern density and ILD thickness variation for a high-performance
microprocessor. {Courtesy of Duane Boning)
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high-performance microprocessor. The graphs show a clear correlation between the density and
the thickness of the dielectric. Hence, clock distribution networks must expioit such information
in order to reduce clock skew. .

Other interconnect variations include deviations in the width of the wires and line spacing,
which result frem photolithography and etch dependencies. At the lower levels of the metalliza-
tion hierarchy, lithographic effects are more important, while etch effects that depend on width
and layout are dominant at the higher levels. The width is a critical parameter because it directly
impacts the resistance of the line, and the wire spacing affects the wire-to-wire capacitance. A
detailed review of device and interconnect variations is presented in [Boning00]. Recent proces-
SIS USE copper Interconnects, in which line thickness variations are also seen to be highly pat-
tern dependent due to CMP dishing and erosion effects {Park(0].

Environmental Variations (4 and 5)

Enwvironmental variations probably are the most significant contributors to skew and jitter. The
two major sources of environmental variations are tempeiraiure and power supply. Temperature
gradients across the chip result from variations in power dissipation across the die. These gradi-
ents can be quite large, as shown in Figure 15-17, which displays a snapshot of the surface tem-
perature of the DEC 21064 microprocessor. Temperature variation has become an important
issue with clock garing, where some parts of the chip may be idle, while other paris of the chip
are fully active. Clock gating has become popular in recent years as a means (o minimize power
dissipation in idle modules {as described i a later ssction). Shatting off parts of the chip leads to
large temperature variations. Since the device parameters (such as threshold and mobility)
depend strongly on temperature, the buffer delay for a clock distribution network can vary dras-
tically from path to path. More importantly, this component is time varying, since the tempera-
ture changes as the logic activity of the circuit varies, Hence, it is not sufficient to simulate the
clock networks at worst case corners of temperature; instead, the worst case variation in temper-
ature must be simulated. An interesting question is whether temperature variation contributes o
skew or to jitter, Clearly, the difference in temperature is time varying, but the changes are rela-

Figure 10-17 Tempsrature variation {snapshot} over DEC 21064 microprocessor.
The highest temperature occurs at the central clock driver [MHerrick00L
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tively slow {typical time conslants for temperatiwe changes are on the order of milliseconds).
Therefore, it is usually considered as a skew component and the worst case conditions are used.
Fortunately, by using feedback, it is possible to calibrate the temperature and to compensate for
this effect.

Power-supply variations, on the other hand, are the major source of jitter in clock distribu-
tion networks. The delay through buffers is a very strong functicn of power supply, as it directly
affects the drive of the tansistors. As with temperature, the power-supply voltage is a strong
function of the switching activity. Therefore, the buffer delay varies strongly from path to path.
Power-supply variations can be classified into slow- (or static) and high-frequency variations.
Static power-supply variations may resuit from fixed cunvents drawn from various modules,
while high-frequency variations result from instantaneous IR drops along the power grid due to
fluctuations in swiiching activity. Inductive effects on the power supply also are a major concemn
since they cause voltage Buctuations. Again, clock gating has exacerbated this problem, because
the logic transitions between the idle and active states can cause major changes in current drawn
from the supply. Since the power supply can change rapidly, the period of the clock signal is
modulated on a cyele-by-cycle basis, resulting in jitter. The jitter on two different clock points
may be correlated or uncorrelated, depending on how the power network is configured and the
profile of switching patterns. Unfortunately, high-frequency power-supply changes are difficult
to compensate for, even with feedback techniques. Consequently, power-supply noise funda-
mentally limits the performance of clock networks. To minimize power-supply variations,
high-performance designs add decoupling capacitance around major clock drivers.

Capacitive Coupling (6 and 7}

Changes in capacitive load also contribute to timing uncertainty. There are two major sources of
capacitive-load variations: coupling between the clock lines and adjacent signal wires, and vari-
ation in gate capacitance. The clock network includes both the interconnect and the gate capaci-
tance of latches and registers. Any coupling between the clock wire and adiacent signal results in
timing uncertainty. Since the adiacent signal can transition in arbitvary directions and at arbitrary
times, the exact coupling to the clock network is not fixed from cycle to cycle, causing jitter.
Another major source of elock unceriainty is the variation in the gate capacitance contributed by
the connecting sequential elements. The load capacitance is highly nonlinear and depends on the
applied veltage. For many latches and registers, the clock lead is a function of the current state
of the latchiregister (i.e., the values stored on the internal nodes of the circuit), as well as the
next state. This causes the delay through the clock buffers to vary fiom evcle 1o cycle, which
causes jitter.

Example 10.2 Data-Dependent Clock Jitter

Consider the circuit shown in Figure 10-138, where a minimum-sized local clock buffer
drives a register. {Actually, each clock buffer drives four registers, thongh only one is
shown here.) The simulation shows CKb, the output of the first inverter for four possible
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Figure 10-18 impact of data-dependent clock load on clock jitter for transmission-
gaie register.

transitions {0 = 0,0 -2 1, 1 —» 0 and I — 1). The jitter on the clock based on data-depen-
dent capacitance is illustrated. In general, the only way to deal with this problem is to use
registers that do not exhibit a large variation in load as a function of data—for example,
the differential sense-amplifier register shown in Chapter 7.

10.3.3 Clock-Distribution Techniques

It is clear from the previous discussion that clock skew and jitter are major issues in digital cir-
cuits, and can fundamentally limit the performance of a digital system. It is therefore necessary
to design a clock network that minimizes both. While designing that clock network, a close eye
should be kept on the associated power dissipation. In most high-speed digital processors, a
majority of the power is dissipated in the clock network. To reduce power dissipation, clock net-
works must support clock conditioning—that is, the ability to shut down parts of the clock net-
work, Unfortunately, clock gating results in additional clock uncertainty (as described earlier).

In this section, an overview of basic constructs in high-performance clock distribution
techniques is presented, along with a case study of clock distribution in the Alpha microproces-
sors. There are many degrees of freedom in the design of a clock network, including the type of
material used for wires, the basic topology and hierarchy, the sizing of wires and buffers, the rise
and fall times, and the partitioning of load capacitances.

Fabrics for Clocking

Clock networks typically include a network that is used to distribute a global reference to vari-
ous parts of the chip, and a final stage that is responsible for lecal distribution of the clock
while considering the local load variations. Most clack distribution schemes expleit the fact that
the absolute delay from a central clock source to the clocking elements is irrelevant—only the
relative phase between two clocking points is important. Therefore, one common approach to
distributing a clock is to use balanced paths {called trees).
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Figure 10-19 Example of an H-iree clock-distribution network for 15 leaf nodes.

The most common type of clock distribution scheme is the H-tree network, which is illus-
trated in Figure 10-19 for a 4 X 4 proeessor array. The cleck is first routed to a central peint on
the chip. Balanced paths that include both matched interconnect and buffers then distribute the
reference to the various leaf nodes. Ideally, if each path is perfectly balanced, the clock skew is
zero, Although it might take multiple clock cycles for a signal io propagate from the central
point to each leaf node, the arrival times are identical at every leaf node. However, in reality, pro-
cess and environmental variations cause clock skew and jitter to occur

The H-tree configuration is particularly useful for regular array networks in which all
elements are identical and the clock can be distributed as a binary tree {for example, arrays of
wdenticai tiled processors}. The cencept can be generalized 1o a more generic seiting. The more
general approach, referred to as marched RC frees, represents a floor plan that distribetes the
clock signal so that the interconnections carrying the clock signals to the functional subblocks
are of equal lengzth. That is, the general approach does not rely on a regular physical structure.
An example of a matched RC is shown in Figure 10-2(. The chip is partitioned into 10 bal-
anced load segments (tiles), The global clock driver distributes the clock to the tile drivers
Iocated at the dots in the figure. A lower level RC-matched free is used to drive 580 additional
drivers inside each tile. A 3D visualization of the cloek defay in a tree network is shown in
Figure 10-21.

An alternative clock distribution approach is the grid structure of Figure 10-22 [Bailey0Q].
Grids typically are used in the final stage of a elock network to distribute the clock to the clock-
ing element loads. This approach is fundamentally different from the balanced RC approach.
The main difference is that the delay from the final driver to each load is not matched. Rather,
the absolute delay is minimized, assuming that the grid size is small. A major advantage of such
a prid structure is that it allows for late design changes, since the clock s easily accessible at var-
ious points on the die. Unfortunately, the penalty is a relatively large power dissipation since the
structure has a lot of “excess” interconnect. In addition to the schemes described earlier, other
approaches have been devised for clock distribution. The length-matched serpentine approach is
just one of them [Young97].
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Figure 10-20 An example RC-matched distribution for an IBM
microprocessor [Restlieds].

(2) )

Figure 10-21 Visualization of clock delay in a tree network driving different loads. The X- and Y-
axes represent the die, while the Zaxis represents the clock delay. The width of the fines is pro-
portional to the designed wire width. The unbalanced load creates a large skew, as is claar in {&).
By careful tuning of the wire widths, the load is balanced, minimizing the skew, as shown in (b}
[Restief1]. See also Coiorplate 9.
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Figure 18-22 Girld structures allow a low skew distribution and
physica! design flexibility at the cost of power dissipation [Bailey00L

It is essential to consider clock distribution in the earlier phases of the design of a complex
cirenit, since it might influence the shape and form of the chip’s Hoor plan. It is tempting for a
designer to ignore the clock network in the early phases of a project and consider it only at the
end of the design cycle, when most of the chip layout is already frozen. This resulis in unwieldy
clock networks and muitiple timing constraints that hamper the performance and operation of
the final circuit. With carefisl planning, a designer can avoid many of these problems, and clock
distribution becomes a manageable operation.

In this section, the ¢lock distribution strategies for three generations of the Alpha microprocessor are dis-
cussed in detail. These processors have always been at the cutting edge of the technology and therefore 12p-
resent an interesting perspective on ihe evolution of ciock distribution [HervickOU].

The Alpha 21064 Processor—The frst-generation Alpha microprocessor (21064 or EV4) from
Digital Egquipment Corporation used a single global clock driver [Dobberpuhi92}. The distribution of clock
load capacitance among various functional blocks is shown in Figure 10-23. The total ctock lead equals
3.25 nF! The procassor uses a single-phase clock methodology, and the 200-MHz clock is fed to 2 binary
tree with five levels of buffering. The inputs 1o the clock drivers are shorted to smooth out the asymmetry in
the incoming signals. The final output stage, residing ia the middle of the chip, drives the clock net. The
clock driver and the associated pre-drivers account for 40% of the effective switched capacitance {12.3 aF,
resuiting in significant power dissipation, The overall width of the clock driver was on the order of 35 cm in
a 0.75-wn technoiogy. A detailed clock skew simulation with process variations indicates that z clock
uncertainty of less than 200 ps {< 10%} was achieved.

The Alpha 21164 Processor—The second-generation Alpha microprocessor (EV3) operates at a
clock frequency of 300 Mhz while using 9.3 million fransistors on a 16.5 mun. x 18,1 mm die in a 8.5-um
CMOS technology [Bowhillo3]. A single-phase clocking methodology was selected, and the design made
exiensive use of dynamic Iogic, resuliing in a substantiai clock load of 3.75 nE The clock distribution sys-
tem conswmes 20°'W, which is 40% of the totat dissipation of the processor.
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Figure 10-23 Distribution of clock load capacitance for the 21064 Alpha processor.

The incoming clock signal is first routed through a single six-stage buffer placed at the center of
the chip. The resulting signal is distributed in metal-3 to the left and right banks of final clock drivers,
positioned between the secondary cache memory snd the ountside edge of the execution unit {see
Figure 10-24a). The produced clock signal is driven onto a grid of metal-3 and metal-4 wires. The equiva-
lent transistor widih of the final driver inverler equals 38 cm! To ensure the integrity of the clock grid
across the chip, the grid was extracted from the layout, and the resulting RC-network was stmulated. A

Clock driver

Lietay

(b} Clack skew simulation.

{a) Chip microphotograph, showing position-
ing of clock drivers.

Figure 10-24 Clock disiribution and skew in a 300-MHz microprocessor.
{Courtesy of Digital Equipment Corporation.}

355

ireind



16.3 Synchronous Design—An In-Depth Perspective 513

three-dimensional representation of the simulation results is plotted in Figure 10-24b. As evident from the
plot, the skew is zero at the ouiput of the feft and right drivers, The maximum value of the absolute skew
ts smalier than 90 ps. The critical instruction and executton units all see the clock within 65 ps.

Clock skew and race problems were addressed using & “mix-and-match” approach. The clock skew
problems were eliminated by either routing the clock in the opposite direction of the data {at a smali cost in
terms of performance) or by ensuring that the data could not overtake the clock. A standardized library of
level-sensitive transmission-gate latches was used for the compiete chip. To avoid race-through cenditions,
the following design guidelines were used:

» Carefid sizing of the local clock buffers were carefully sized so that their skew was minimal.

* At least one gate had to be inserted between connecting latches. This gate, which can be part of the
logic function or just a simple inverter, easures was a minimum contamination delay. Special design
verification tools were developed to guarantee that this rule was obeyed over the complete chip.

To improve the interlayer dielectric uniformity, filler pelygons were inserted between widely spaced lines,
as shown in Figore 10-25. Though this may increase the capacitance to nearby signal lines, the improved
unitformity results in lower variation and clock uncertainiy. The dummy fills are antomatically inserted, and
tied to one of the power rails (Vp, or GND). Dammy insertion is required today to equalize the elch-away
of CMP (Chapter 3). This technique is used in many of today’s processes for conirelling the clock skew.

This example demonsirates that managing clock skew and clock distribution for [arge, high-perfor-
mance synchronous designs is a feasible task, However, making such a circuit work in a reliable way
requires careful planning and intensive analysis.

The Alpha 21264 Processor—A hierarchical etocking scheme is used in the 600-Mhz Alpha 21264
{EV0) processor {in 0.35-urmn CMOS}, shown in Figure 10-26 [Bailey981. The choice of a hierarchical
clocking scheme for this processor is 2 major departure from the preceding processors, which did not have

Figure 16-256 Dummy fills reduca the ILD variation and improve clock skew.
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Figure 10-26 Clock hierarchy for the Alpha 21264 Processor.

a hierarchy of clocks beyond the global clock grid. Using a hierarchical clocking approach enables trade-
offs between power and skew management. Power is reduced, because the elocking networks for individual
blocks can be gated. As seen in previous-generation microprocessors, the clock power contributes to a large
fraction of overall power consumption. Also, the fdexibility of having local clocks provides the designers
with more freedom with respect to circuit styles at the module level. The drawback of using a hierarchical
clock network is that skew reduction becomes more difficult. Clocks to various local registers may go
through very different paths, which may contribute fo the skew. However, by using timing verification
tools, the skew can be managed by tweaking of the clock drivers.

The clock hierarchy consists of a global clock grid, called GULK, that covers the entire die, Siate
elements and clocking points exist from zero to height levels past GCLK. The on-chip generated clock is
routed to the center of the die and distributed using tree structures to 16 distributed clock drivers (see Figure
13-27). The global clock distribution network utilizes a windowpane configaration, which achieves low
skew by dividing the clock into four regions, which reduces the distance from the drivers to the loads. Each
grid pane is driven from four sides, reducing the dependence on process variations. This also helps the
power sapply and thermal problems, as the drivers are distributed through the chip.

The use of a gridded clock has the advantage of reducing the clock skew, while providing universal
availability of the clock signals. The drawback is the inereased capacitance of GCLK, compared with a tree-
distribution approach. In addition to the GCLK, at the nexi level of clock hierarchy, there is a major clock
erid. The major clocks were introduced o reduce power: They have localized loads, and they can be sized
appropriatety to meet the skew and edge requirements for the local loading conditions at timing-critical
Biits.

The lowest level in this hierarchy is formed by the local clocks, which are generated as needed from
any other clock, Typically, they can be customized to meet local timing constraints. The local clocks pro-
vide great Hexibility in the design of the logic blocks, but at the same time make it significantly more diffi-
cult to manage skew. Farthermore, the local clocks are more susceptible to coupling from data lines,
because they are not shielded like the global gridded clocks. As a result, the local clock distribution is
highly dependent on its local imerconnection and thus has to be designed very carefuliy.
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From the preceding discussions, some useful guidelines for reducing ctock skew and jitter can be derived:

1.

To minimize skew, balance clock paths from a ceniral distribution source to individual clecking ele-
ments, using H-tree structores or more generatly routed matched-tree structures. When using routed
clock trees, the effective clock ivad of each path that includes wiring as well as transistor loads must
he egualized.

. The use of focal cleck gridy {instead of routed trees) can reduce skew at the cost of increased capac-

itive toad and power dissipation.

. If data-dependent clock load variations cause significant jitter, differentiai registers that have a data-

independent clock load should be used. The vse of gated clocks to save power results in a data-
dependent clock load and increased jitter In clock networks where the fixed load is large (e.g.. in
clock grids), the data-dependent variation might not be significant.

. If data flow in one direction, route the data and the clock in opposite directions. This eliminates

races al the cost of performance.

. Avoid data-dependent noise by shielding clock wires from adjacent signal wires. By placing power

lines {V,, or GND) next to the clock wires, ceupling from neighboring signal nets can be minimized
or avoided.

Variations in interconnect capacitance due to interlayer dielectric thickness variation can be greatly
reduced through the use of drummy fills. Dummy fills are very common and reduce skew by increas-
ing uniformity. Systematic variations should be modeled and compensated for.

. Variation in chip temperature across the die causes variations in clock buffer delay. The use of feed-

back circuits based on delay-locked loops, discussed laier in this chapter, can compensale for tlem-
peratare variations.

. Power-supply variation is a significant component of jitter, as it impacts the cycle-to-cycle delay

thraugh clock buffers, High-frequency power-supply variation can be reduced by adding on-chip
decoupling capacitors. Unfortunately, decoupling capacitors require a significant amount of area,
and efficient packaging solutions must be leveraged in order to reduce chip area. B
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10.3.4 Laich-Based Clocking®

The use of registers in a sequential circuit translates into a robust, reliable design methodology.
Yet there are significant performance advantages to be made through the use of a latch-based
design style, in which combinational logic is separated by transparent latches. In an edge-trig-
gered system, the worst case logic path between two registers determines the minimum clock
period for the entire system. If a logie block finishes before the end cf the clock period, it has to
sit idle untit the next clock edge. The use of a latch-based methodology enables more flexible
timing by allowing one stage to pass slack or to borrow time from other stages. The added flexi-
bility also increases overall performance. Note that the latch-based methodology can be thought
of as adding logic between latches of master—siave flip-flops.

Consider the latch-based system of Figure 10-28, which uses a two-phase clocking
scheme. Assume that the clocks are ideal and that the two clocks are inverted versions of each
other (for the sake of simplicity). In this configuration, a stable input is available to the combina-
tional logic block A (CLB_A) on the falling edge of CLK, {at edge @). It has a maxiroum time
equal to the 7y ,/2 to evaluate—that is, the entire low phase of CLK,. On the falling edge of
CLK, {(at edge @), the output CLB_4 is latched, and the computation of CLK_B is launched.
CLB_B computes on the low phase of CLK,, and the output is avatlable on the falling edge of
CLK, {at edge @). Prom a timing perspective, this scenario appears {o be equivalent to an edge-
triggered sysiem, where CLE_A and CLB_E are cascaded between two edge-triggered registers
(see Figure 10-29). In both cases, it appears that the fime available to perform the combination
of CLB Aand CLB_Bis Ty,

However, there is an impartant performance-related difference. In a laich-based system, it
is possible for a logic block to wtitize time that is left over from the previous logic block. This
phenomenon, which resulis from the transparency of a latch during its on time, is referred o as
slack borrowing [Bernstein98]. It requires no explicit design changes, as the passing of slack

1 i3 Li I3
in A fcrB Ay 5 fciBB C /cip cC

e | yre - [ L Y
SR N CI AR

B t } t

CLK, CLK, CLK, CLK,
Toik
5 LOHIPU ie
CLK, O %4 CLB_A & @
launch A lausnch C
C i [(2 /#’ CGI}?f)IflU
taunch B L__CLE.B

Figure 10-28 Laich-based design in which transparent laiches are separatad by
combinational logic.
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Figure 1028 Edge-iriggered pipeiine (back-to-back latches for edge-iriggered registers)
of the logic in Figure 10-28.

from one block to the next is automatic. The key advantage of slack borrowing is that it allows
iogic between cycle boundaries to use more than one clock cycle while satisfying the overall
cycle time constraint. Stated in ancther way, if the sequential system works at a particular clock
rate, and the total logic delayv for a complete cycle is larser than the clock period, then unased
time, or slack, has been implicitly borrowed from preceding stages. Formally stated, slack pass-
ing has taken place if Ty < £,y 4 + 1,9, 5. and the logic functions correctly (for simplicity, the
delay associated with latches are ignored). This implies that the clock rate can be higher than the
worst case critical path!

As mentioned earlier, slack passing resuits from the level-sensitive nature of the latches, In
Figure 10-28, the input to CLB_A must be valid by the failing edge of CLX, {edge @&}. What hap-
pens if the combinational logic block of the previous stage finishes early and las a valid input
data for CLB_A before edge @7 Since the latch is transparent during the eatire high phase of the
clock, the input data for CLB_A are valid as soon as the previous stage has finished computing.
‘This implies that the maximum time available for CLB_A is its phase time (i.e., the low phase of
CLK) plus any time left from the previous computation.

Consider the latch-based systern of Figure 10-30. In this example, signal ¢ {input to
CLE_A) is valid weli before edge @. This implies that the previous block did not use its entire
allotment, prodocing siack time as denoted by the shaded area, By consiruction, CLB_A can start
computing as soon as signal g becomes valid. It uses this slack time to finish well before its allo-
cated time {edge @). Since L, is a transparent fatch, valid on the high phase of CLK,, CLE_B
starts to compute using the slack provided by CLB_A. Again, CLE_B completes before its allo-
cated fime (edge @), and it passes a small amount of slack to the next cycle. As this picture indi-
cates, the total cycle delay—that is, the sum of the delay for CLE_A and CLB_B—is larger than
the clock period, Since the pipeline behaves coirectly, slack passing has taken place and a higher
through-put has been achieved.

An important question related to slack passing involves to the maximum possible siack
that can be passed across cycle boundaries. In Figure 10-30, it is easy to see that the earliest time
that CLB_A can start computing is &©. This happens if the previous logic block did not use any
of its aliocated time (CLK | high phase) or if it finished by using slack from previous stages.
Therefore, the maximum time that can be borrowed from the previcos stage is haif of a
cycle or Ty /2. Similarly, CLE_B must finish its operation by edge @. This impiies that
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Figure 10-30 Example of slack borrowing.

the maximum logic cycle delay is equal to 1.5 X T, ;. However, note that for an n-stage
pipeline, the overall logic delay cannot exceed the time available of n X Ty .

Example 10.3 Slack-Passing Example

First, consider the negative edge-triggered pipeline of Figure 10-31. Assume that the pri-
mary input fn is valid slightly after the rising edge of the clock. We can derive that the
minimum cleck period required is 125 ns. The latency is two clock cycles. (Actually, the
output is valid 2.5 cycles after the input settles.} Note that for the first pipeline stage, one-
half cycle is wasted, as the input data are available only to CL, after the falling edge of the
clock. This tirne can be exploited in a latch-based system.

Figure 10-32 shows a lafch-based version of the same circuit. As the timing indi-
cates, exactly the same timing can be achieved with a clock period of 100 ns. This is
enabled by slack borrowing between the logical partitions.

Chit
B O
¥
CLK

Figure 10-31 Conventional edge-triggerad pipaline.
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Figure 10-32 Latch-based pipeline.

If slack passing or borrowing intrigues you, we refer you to [Bernstein98], which presents
an excellent quantitative analysis of this attractive, vet chalienging, approach.

10.4 Self-Timed Circuit Design*

10.4.1 Self-Timed Logic—An Asynchronous Technique

The synchronous design approach advocated in the previous sections assumes that all circuit
events are orchestrated by a central clock. Those clocks have a dual function:

» They ensure that the physical timing constraints are met. The next clock cycle can start
only when ail logic transitions have settled and the system has come to a steady state. This
ensures that only legal logical values are applied in the next round of computation. In
shott, clocks account for the worst case delays of logic gates, sequential logic elements,
and the wiring,

» Clock events serve as a logical ardering mechanism for the global system events. A clock
provides a time base that determines what will happen and when. On every clock transi-
tion, a number of operations are initiated that change the state of the sequential network.

Consider the pipelined datapath of Figure 10-33. In this circuit, the data transitions through
logic stages under the command of the clock. The important point is that the clock period is chosen
to be larger than the worst case delay of each pipeline stage, or 7> max {f,11, Lnass Fond + 75 reg-
This will ensure satisfaction of the physical constraint. At each clock transition, a new setof inputs
is sampled, and computation is started again. The throughput of the system—which is equivalent
t0 the number of data samples processed per second—is equivalent to the clock rate. The time at
which to sample a new input and the availability of an cutput depend upon the logical ordering of
the system events and clearly are orchestrated by the clock in this example,
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Figure 10-33 Pipelined, synchrenous datapath.

The synchronous design methodology has seme clear advantages. It presents a structured,
deterministic approach to the problem of choreographing the myriad of events that take place in
digital designs. The approach taken is to equalize the delays of all operations by making them as
bad as the worst of the set. The approach is robust and easy te adhere to, which explains its enor-
mous popularity; however, it does have several pitfalls:

= It assumes that all clock events or timing references happen simuitaneously over the com-
plete circuit. This is not the case in reality, because of effects such as clock skew and jitter.

« As all the clocks in a circuit transition at the same time, significant current flows over a
very short period of time (due to the large capacitance 1oad). This causes significant noise
problems due to package induciance and power-supply grid resistance.

*» The linking of physicai and logical constraints has some obvicus effects on the perfor-
mance. For instance, the throughput rate of the pipelined system of Figure 10-33 is
directly linked to the worst case delay of the slowest element in the pipeline. On average,
the delay of cach pipeline stage is smaller. The same pipeline could support an average
throughput rate that is substantiaily higher than the synchronous one. For example, the
prepagation gelay of a 16-bit adder is highly data dependent: Adding two 4-bit numbers
requires a much shorter time compared with adding two 16-bit numbers.

One way to avoid these problems is to opt for an asynclronous design approach and to
eliminate all the clocks. Designing a purely asynchronous circuit is 8 nontrivial and potentially
hazardous task. Eusuring a cormrect circuit operation that avoids ail potential race conditions
under any operation condition and input sequence requires a careful timing analysis of the net-
work, In fact, the legical ordering of the events is dictated by the structure of the transistor net-
work and the relative delays of the signals. Enforcing timing constraints by manipulating the
logic structure and the lengths of the signal paths requires an extensive use of CAD tools and is
recommended only when strictly necessary.

A more reliable and robust technique is the self-timed approach, which presents a loeal
solution 1o the timing problem [Seitz80]. Figure 10-34 uses a pipelined datapath to illustrate
how this can be accomplished. It is assumed that each combinational function has a means of
indicating that it has completed a computation for a particular piece of data. The computation of
a logic block is initiated by asserting a Start signal. The combinational logic block computes on
the input data, and in a data-dependent fashion (taking the physical constraints into account),
generates a Done fiag once the computation is finished. In addition, the operators must signal
each other that either they are ready to receive a nex{ input word or they have a legal data word at
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Figure 10-34 Seclf-timed, pipelined daiapath.

their outputs that is ready for consumption. This signaling ensures the logical ordering of the
events and can be achieved with the aid of extra Ack(rowledge) and Reg{uest) signals. In the
case of the pipelined datapath, the scenario could proceed as foliows:

1. An iaput word arrives, and a Reg{uest) to the block F£1 is raised. If 71 15 inactive at the
time, it transfers the data and acknowledges this fact to the input buffer, which can go
ahead and fetch the next word.

2. Fl is enabled by raising the Srarr signal. After a cerfain amount of time, which is depen-
dent upon the data values and operating conditions, the Dore signal goes high, indicating
the compietion of the computation.

3. A Reg(nest) is issued to the F2 modnie, If this function is free, an Ack{nowledge} is raised,
the output value is transferred, and 71 can go ahead with its next computation.

The self-timed approach effectively separates the physical and logical ordering fanctions
implied in circuit timing. The completion signal Dene ensures that the physical timing con-
straints are met and that the circuit is in steady state before accepting a new imput. The logical
ordering of the operations is ensured by the acknowledge~request scheme, often called # hand-
shaking protocel. Both interested parties synchronize with each other by mutual agreement (or,
if you want, by “shaking hands™). The ordering protoco! described previously and implemented
in the medule HS is only one of many that are possible. The choice of protocel is important,
since it has a profound effect on the circuit performance and robustness.

When compared with the synchronous approach, self-timed circuits display some alluring
properiies:

« In contrast to the global centralized approach of the synchrenous methodology, timing sig-
nals are generated locally, which avoids all problems and overheads associated with dis-
rributing high-speed clocks.

* Separating the physical and logical ordering mechanisms results In a potential increase in
performance. In synchronous systems, the period of the clock has to be stretched to
accommeodate the slowest path over all possible input sequences. In self-timed systems, a
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completed data word does not have to wait for the arrival of the next clock edge in order to
proceed to the subsequent processing stages. Since circuit delays often are dependent on
the actual data value, a self-timed circuit proceeds at the average speed of the hardware, in
contrast 1o the sworst case model of synchronous logic. For a ripple-carry adder, the aver-
age length of carry prepagation is O(log ()}, This is a fact that can be exploited in self-
timed eircuits, while in a synchronous methodology, a waorst case performance that varies
linearly with the number of bits {O(A)} must be assumed.

+ The automatic shutdown of blocks that are not in use can result in power savings. In addi-
tion, the power consumption overhead of generating and distributing high-speed clocks
can be partially avoided. As discussed earlier, this overhead can be substantial. The use of
gated clocks in synchronous design yields similar results.

= Self-timed circuils are, by natere, robust regarding variations in manufaciuring and operat-
ing conditions such as temperature. Synchronous systems are limited by their performance
at the extremes of the operating conditions. The performance of a self-timed system is
determined by the actual operating conditions.

Unfortanately, these general properties are not without cost—they come at the expense of
a substantial circuit-level overhead, which is caused by the need to generate completion signals
and the need for handshaking logic that acts as a local traffic agent to order the circuit events
(see block HS in Figure 10-34}. Both of these topics are treated in more detail in the subsequent
sections.

10.4.2 Completion-Signal Generation

A necessary component of self-timed logic is the circaitry to indicate when a particular piece of
circuitry has completed its operation for the current piece of data. There are two common and
reliable ways to generate the completion signal.

Dual-Rail Coding

One comimon approach to completion-signal generation is the use of dual-rail coding. It actually
requires the introduction of redundancy in the data representation in order to signal that a partic-
ular bit is in either a transition or a steady-state mode. Cossider the redundant data model pre-
sented in Table 10-1. Two bits (B0 and B1} are used to represent a single data bit B. For the data

Table 10-1 Redundant signal representation
to include transition state.

B 80 81
in transilion {or reset} O G
0 ¢ I
1 i G
illegal i !

365



10.4 Seif-Timed Circuit Design* 523

Vo Vb

Stare
P

E B0
Bo—o<F— = >o—B1 51 Done
m, -
Inl ol — Ty
PON [-] PDN

m2 &
In2

Start —{

Figure 10-35 Generation of a compietion signal in DCVSL.

to be valid or the computation to be completed, the circeit must be inalegal 0{80=0,8i=1)
or 1 (B0 =1, Bl =) state. The (B0 =0, Bl = ) condition signals that the data are nonvalid and
the circuit is in either a reset or 2 transition mode. The (B0 = 1, Bl = 1} state is illegal and should
AEVEr Gccur in an actual circuit.

A circuit that actually implements such a redundant representation is shown in
Figure 10-35, which is a dynamic version of the DCVSL logic style where the clock is
replaced by the Srarr signal [Heller84). DCVSL uses a redundant data representation by
nature of its differential dual-rail structure. When the Srart signal is low, the circuit is pre-
charged by the PMOS transistors, and the ouiput {80, 51) goes in the Reset—Transition state
(G, 0). When the Start signal goes high, signaling the initiation of a computation, the NMOS
pull-down network evaluates, and one of the precharged nodes is lowered. Either BC or B1—
but never both—sgoes high, which raises Done and signals the completion of the computation.

DCVSL is more expensive in terras of area than a nonredundant circuit due o its differen-
tial nature. The completion generation is performed in series with the logic evaluation, and its
delay adds directly to the total delay of the logic block. The completion signals of all the individ-
ual bits must be combined to generate the completion for an N-bit data word. Completion gener-
ation thus comes at the expense of both area and speed. The benefits of the dynamic timing
generation often justify ¢his overhead.

Redundant signal representations other than the one presented in Table 10-1 can also be
envisioned, One essential element is the presence of a fransition state denoting that the circuit is
in evaluation mode and the output data are not valid.

Example 10.4  Self-Timed Adder Circuit

An efficient implementation of a self-timed adder circuit is shown in Figure 10-36
{Abnous93]. A Manchester-carry scheme is used to boost the circuit performance. The
proposed approach is based on the observation that the circuit delay of an adder is domi-
nated by the camry-propagation path. It is therefore sufficient to use the differential
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(2} Differentia! carry generation {b} Completion signal

Figure 10-36 Manchester-carry scheme with differential signal representation.

signaling in the carry path only (Figure 10-36a). The completion signal is efficiently
derived by combining the carry signals of the different stages (Figure 10-36b}. This safely
assumes that the sum generation, which depends upon the arrival of the carry signal, is
faster than the completion generation. The benefit of this approach is that the completion
generation starts earlier and proceeds in paraflel with sum generation, which reduces the
critical timing path. All other signals, such as P{ropagate), G{enerate), K{ill}, and S{um),
do not require completion generation and can be implemented in single-ended logic. As
shown in the circuit schematics, the differential carry paths are virtvally identical. The
oaly difference is that the G(ererate) signal is replaced by a K(i). A simple logic analysis
demonstrates that this indeed results in an inverted carry signal and, hence, a differential
signating.

Replica Delay

While the dual-rail coding just described allows tracking of the signal statistics, it comes at the
cost of power dissipation. Every single gate must transition for every new input vector, regard-
less of the value of the data vector, A way to reduce the overhead of completion detection is to
use a critical-patir replica configured as a delay element, as shown in Figure 10-37. To start a
computation, the Szart signal is raised and the computation of the logic network is initiated. At
the same time, the start signal is fed into the replica delay line, which tracks the critical path of
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Figure 10-37 Completion-signal generation using delay module,

the logic network. It is important that the replica is structured such that ne glitching transitions
occur, When the output of the delay line makes a transition, it indicates that the logic is complete
as the delay line mimics the critical path. In general, it is important to add extra padding in the
delay line in order to compensate for possible random process variations,

The advantage of this approach 13 that the logic can be implemented using a standard non-
redundant circuit style, such as complementary CMGS. Also, if multiple logic units are comput-
ing in parallel, it is possible to amortize the overhead of the delay Ene over multiple blocks. Note
that this approach generates the completion signal afier a fime equal to the worst case delay
through the network. As a result, it does not exploit the statistical properties of the incoming
data. However, it can track the local effects of process variations and eavironmental variations
{e.g., temperature 01 power-supply variations). This approach is widely used 1o generate the
internal timing of semiconductor memories where self-timing is a commonly used technique.

Example 16,5 An Alternate Completion Detection Circuit Using Current Sensing

Ideally, logic should be huplemented using nonredundant CMOS (e.g., static CMOS), and
the completion signal circuitry should track data dependencies. Figure 10-38 shows an
approach that attempis to realize this principle [Dean94], A current sensor is inserted in
series with the combinational logic, and it monitors the current flowing through the logic.
The current sensor cutpuis 2 low value when no current flows through the logic (i.e., the
fogic is idle) and a high value when the combinational logic is switching. This siznal

—
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Figure 10-38 Completion-signal generation using current sensing.
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effectively determines when the logic has completed its cycle. Note that this approach
tracks data-dependent computation times—if only the lower order bits of an adder switch,
current will stop flowing once the lower order bits switch to the final value. If the input
data vector does not provoke any change in the logic from one cycle to the next, no current
is drawn from the supply for static CMOS logic. In this case, a delay element that tracks
the minimum delay through the logic and current sensor is used for signal completion, The
outputs of the eurrent sensor and minimum delay element are then combined.

This approach is interesting, but requires careful analog design. Ensuring reliability
while keeping the overhead circuitry small is the main challenge. These concerns have
kept the applicability of the approach very limited, despite its obvious potential.

10.4.3 Seli-Timed Signaling

Besides the generation of the completion signals, a self-timed approach also requires a hand-
shaking protocol to logicaily order the circuit events in order to avoid races and hazards. The
functionality of the signaling {or handshaking) logic is illustrated by the example of Figure 10-
39, which shows a sender module transmitting data to a rezcefver [Suthertand89]. The sender
places the data value on the data bus © and produces an event on the Reg control signal by
changing the polarity of the signal @. In some cases, the reguest event is a rising transition; at
other times, it is a falling one—the protocol described here does not distinguish between them,
Upon receiving the request, the receiver accepts the data when possible and produces an event
on the Ack signal to indicate that the data have been accepted @. If the receiver is busy or its
input buffer is full, no Ack event is generated, and the transmitter is stalled until the receiver
becomes available by, for instance, freeing space in the input buffer. Once the Ack event is pro-
duced, the transmitter goes ahead and produces the next data word @. The four events—dura
change, reguest, data acceptance, and acknowledge—proceed in a cyclic order. Successive
cycles may take different amounts of time, depending on the time it takes to preduce or consume
the data.

This is called the rwe-phase protocol, since only two phases of operation can be distin-
guished for each data transmission—the active cycle of the sender and the active cycle of the
receiver. Both phases are terminated by certain events. The Req event terminates the active cycle
of the sender, while the receiver’s cycle is completed by the Ack event. The sender is free to
change the data during its active cycle. Once the Reg event is generated, it bas to keep the data
constant as long as the receiver is active. The receiver can only accept data during its active cycle.

The correct operation of the sender—receiver system requires a strict ordering of the signal-
ing events, as indicated by the arrows in Figure 10-39. Imposing this order is the task of the
handshaking logic, which, in a sense, performs logic manipulations on events. An cssential comi-
ponent of virtually any handshaking module is the Mulier C-element. This gate, whose sche-
matic symbol and truth table are given in Figure 10-40, performs an AND-operation on events.
The output of the C-element is a copy of its inputs when both inputs are identical. When the
inpuis differ, the output retains its previous value, Phrased in a different way, events must aceur
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Figure 10-3% Two-phase handshaking proiocol.
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Figure 10-40 Muller C-glement.
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Figure 10-41 Implementations of a Muller C-element.

at both inputs of a Muller C-element for its oufput to change state and to create an output event.
As Jong 28 this does not happen, the output remains unchanged and no output event is generated,
The implementation of a C-element is centered around 2 latch, which should not be a surprise,
given the similarities in their truth tables. Figure 10-41 presents a static and a dynamic circuit
realization of the function.

370



528 Chapter 10 = Timing Issues in Digital Circuits

Sender D,zfm i Receiver

logic ’ lagic

L]';)ata ready E Data aceepted
I Reg
|
i Ack
[
j

Handshake logic )

Figure 10-42 A Mulier C-element implements a two-phase handshake protecel.
The eircle at the lower input of the Muller C-element stands for inversion.

Figure 10-42 shows how to use this component to enforce the two-phase handshaking pro-
tocol for the example of the sender—receiver. Assume that Req, Ack, and Data Ready are initialiy
0. Whan the sender wants to fransmit the next word, the Date Ready signal is set to 1, which trig-
gers the C-element, because both its inputs are at 1. Reg goes high—this is commonty denoted as
Req?. The sender now resides in the wait meode, and control is passed to the receiver. The C-
element is blocked, and no new data are sent to the data bus (Reg stays high) as long as the
transmitted data are not processed by the receiver. Once this happens, the Data accepted sig-
nal is raised. This can be the result of many different actions, possibly involving other C-ele-
ments communicating with subsequent blocks. An AckT ensues, which unblocks the C-
element and passes the conirol back to the sender. A Data readyl event, which might already
have happened before AckT, produces a Reql, and the cycle is repeated.

Problem 10.1  Two-Phase Self-Timed FIFO

Figure 10-43 shows a two-phase, self-timed implementation of a FIFO (first-in first-out) buffer with three
registers. Assunting that the registers accept a data word on both positive- and negative-going transitions of
the En signals, and that the Done signal is simply a delayed version of Fu, examine the operation of the
FIFC by plotting the timing behavior of all signals of interest. How can you observe that the FIFQO is com-
pletely empty? Fuil? (Hint: Determine the necessary conditions on the Ack and Reg signals.)

n Cur
o T $! > RZ » R3 —
Fn’ Done
Reg; Req,
Ack; | Ack,

&

Figure 10-43 Three-stage, seif-timed FIFQ, using a two-phase signaling pratocol.
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The two-phase protocol has the advantage of being simple and fast. However, this protocol
requires the detection of transitions that may occur in either direction. Most logic devices in the
MOS technology tend to be sensitive to levels or to transitions in one particular direction. Event-
triggered logic, as required in the two-phase protocol, requires exira logic as well as state infor-
mation in the registers and the computational elements. Since the transition direction is impor-
tant, initializing ail the Muller C-elements in the appropriate state is essential. If this is not done,
the circuit might become deadlocked, which means that all elements are permanently blocked
and nothing will ever happen. A demiled study on how o implement event-iriggered logic can be
found in [Sutherland89], the defining text on micropipelines.

The only altemative is to adopt a different signaling approach, such as four-phase signal-
ing, or retwrn-to-zero {RTZ). This class of signaling requires that all controlling signals be
brought back o thelr initial values before the next cycle can be initiated. Once again, this is
illustrated with the example of the sender—receiver. The four-phase protocol for this example is
shown in Figure 10-44.

The protocol presented is initially the same as the two-phase one. Both the Reg and the
Ack are initially in the zero state, however. Once a new data word is put on the bus @, the Reg is
raised (RegT or @), and control is passed to the receiver. When ready, the receiver accepts the
data and raises Ack (AckT or @). So far, nothing new. The protocol proceeds by bringing both
Req (Regd or @) and Ack (Ack) or ®) back to their initial state in sequence. Only when that
state Is reached is the sender allowed to put new data on the bus &, This protocal is called four-
phase signalling because four distinct time zones can be recognized per cycle: two for the
sender; two for the receiver. The frst two phases are ideniical ta the two-phase protocol, while
the last two are devoted lo resetting of the state. An implementation of the protocol, based on
Muller C-elements, is shown in Figure 10-45. It is interesting to note that the four-phase proto-
col requires two C-elements in series (since four states must be represented). The Date ready
and Data accepred signals must be puises instead of single transitions.

2 @ » Sender’s action
Reg N

== Receiver’s action

Arck

|

3
/
k®/

Cyele 1 E Cycle 2

Dara X @ /

Figure 10-44 Four-phase handshaking protocal.
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Figure 10-45 Implementation of four-phase handshake protocol using Muller C-elements.

Problem 10.2 Four-Phase Protocol

Derive the timing diagram for the signals shown in Figure 18-45. Assume that the Data Ready signal is a
pulse and that the Dara Accepled signal is a delayed version of Reg.

The four-phase protocel has the disadvantage of being more complex and slower, since
two events on Reg and Ack are needed per transmission. On the other hand, it has the advantage
of being robust. The logic in the sender and receiver modules does not have to deal with transi-
tions, which can go either way; it has to consider only rising {or falling} transition events or sig-
nal fevels. This is readily accomplished with traditional logic circuits. For this reason, four-
phase handshakes are the preferred implementation approach for most of the current self-timed
circuits. The two-phase protocel is mainly selected when the sender and recetver are far apart
and the delays on the control wires (Ack and Reg) are substantial.

Example 10.6 The Pipelined Datapath—Revisited

We have introduced both the signaling conventions and the concepts of the completion-
signal generation. Now it is time to bring them all together. We de this with the example of
the pipelined datapath, which was presented earlier. A view of the self-timed datapath,
including the timing control, is offered in Figure 10-46. The logic functions F1 and /2 are
implemented using dual-rail, differential logic.

To understand the operation of this circuit, assume that all Reg and Ack signals,
including the internal ones, are set to 0, which means there is no activity in the data path.
All Srart signals are low so that all logic circuits are in precharge condition. An input
request {Reg,T) triggers the first C-element. The enable signal En of R1 is raised, effec-
tively latching the input data into the register, assuming a positive edge-triggered or a
level-sensitive implementation. Ack,T acknowledges the acceptance of the data. The sec-
ond C-element is triggered as well, since Ack,, is low. This raises the Stasf signal and
starts the evaluation of F1. At its completion, the output data are placed on the bus, and a
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Figure 10-46 Self-timed pipelined datapath—compiete composition.

request is initiated to the second stage (Reg,,T), which acknowledges its acceptance by
raising Ack,,,.

At this point, stage 1 is stilt blocked for further computations. However, the input
buffer can respond to the Ack, T event by resetting Reg, to its zero state (Regp). In turn, this
lowers En and Ack,. Upon receipt of Ack,, T, Starr soes low, the precharge phase starts,
and #1 is ready for new data. Note that this sequence corresponds to the four-phase hand-
shake mechanisin described earlier. The dependencies among the events are presented in a
more pictorial fashion in the state fransition diagram (STG) shown in Figure 10-47. These
STGs can become very complex. Computer tools are often used fo derive STGs that

ensure proper operation and optimize the performance.

) =" Cectement 1

-—@ ) C-glement 2

Figure 10-47 State transition diagram for pipeline stage 1. The nodes represent
the signaling events, while the arrows express dependencies. Arrows in dashed
lines express actions in gither the pregeding or the following stags.

10.4.4 Practical Examples of Self-Timed Logic

Self-timed circuits can provide a significant performance advantage. Unfortunately, the over-
head cireuitry precludes a widespread application in general-purpose digital computing. Nevesr-
theless, the key concepts of self-iimed circuits are being exploited in a number of practical
applications., We present a few examples that illustrate the use of seif-timed concepts for either
power savings or performance enphancement.
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Figure 10-48 Application of self-timing for glitch reduction.

Glitch Reduction Using Self-Timing

A major source of unnecessary switched capacitance in large datapaths, such as bit-sliced adders
and multipliers, is due to spurious transitions caused by glitch propagation. Imbalances in 2
logic network cause inputs of  logic gate or block to arrive at different times, resulting in glitch-
ing transitions. In large combinational blocks such as multipliers, transitions happen in waves as
the primary input changes ripple through the logic. Enabling a logic block cnly when all the
inputs have settled helps reduce or eliminate the glitching transitions. One approach for doing so
is the use of a self-timed gating approach, which partitions each computational logic block into
smaller blocks and distinct phases. Tristate buffers are inserted between each of these phases in
order to prevent glitches from propagating through the datapath, as shown in Figure 10-48.
Assuming an arbitrary logic network, it is fair to assume that the outputs of logic block 1 will not
be synchronized. When the tristate buffers at the output of logic block 1 are enabled, the compu-
tation of logic block 2 is allowed to proceed. To reduce glitching transitions, the tristate buffer
should be enabled only when it is ensured that the outputs of logic block 1 are stable and valid.
The control of the tristate buffer can be performed through the use of a self-timed enable signal,
generated by passing the system clock through a delay chain that models the critical path of the
processor. The delay chain is then tapped at the points corresponding to the locations of the buff-
ers, and the resulting signals are distributed throughout the chip. This fechnique succeeds in sub-
stantially reducing the switching capacitance of combinational logic blocks such as multipliers,
even when taking into account the overhead of the delay chain, gating signal distribution, and
buffers [Goedman98].

Post-Charge Logic

An interesting form of self-timed logic is self-resetting CMOS. This structure uses a control
structure different from the conventional seif-timed pipeline. Instead of waiting for ali the logic
stages to complete their operation before transitioning to the reset stage, the idea is to precharge
a logic block as soon as it completes its operation. Since the precharge happens after the opera-
tion instead of before evaluation, it is often termed postcharge logic. A block diagram of post-
charge logic is shown in Figure 10-49 [Williams0C]. As can be seen from this block diagram, the
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precharging of L1 happens when its successor stage has completed and does not need its input
anymore. Ii is possible to precharge a block based on the completion of its own output, but care
must be taken to ensure that the stage that follows has properly evaluated and the input has
become cbsolete.

It should be noted that, unlike with other logic styles, the signals are represented as pulses
and are valid only for a limited duration. The pulse width must be shorter than the reset delay or
else there is a contention between the precharge device and the evaluate switches. While this
logic style offers potential speed advantages, special care must be taken to ensure correct timing.
Also, clreuitry that converts level signals to pulses, and vice versa is required. An example of
self-resetting logic is shown in Figure 10-30 [Bernstein®8]. Assume that all inputs are low and
that inf is initially precharged. If A goes high, inf will fali, causing ous to go high. This causes the
gate to precharge. When the PMOS precharge device s active, the inpuls must be in a reset state
in order to avoid contention.

Clock-Delayed Domino

One interesting application of self-timed circuits that uses the delay-matching concept is clock-
delayed { CD)} domino [ YeeS6}| Bernstein(0]. This is a style of dynamic logic in which there is no
global clock signal. Instead, the clock for one stage is derived from that for the previous stage. A
simple example of a CDD domine stage is shown in Figure 10-51. The two inverter delays plus
the transmission gate along the ¢lock path emulate the worst-case delay through the dynamic
logic gate. The transmission gate is always turned on, and the delay of the clock path is adjusted
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Figure 10-51 Clock-delayed demino logic: a seli-clocked logic style.

.

through the sizing of the devices. Clock-delayed domino was used in IBM’s 1-GHz micro-
processor, and it is used widely in high-speed domino Jogic. Clock-delayed domino can provide
both inverting and noninverting functionality. This alleviates a major limitation of conventional
domino techniques, which are capable only of noninverting logic. The inverter after the puil-
down network is not essential because the clock arrives at the next stage only after the current
stage has evaluated. The clock-evaluation edge thus arrives only after the inputs are stable. On
the other hand, adding the inverier allows for the elimination of the foot switch (see Chapter 6.

10.5 Synchronizers and Arbiters®

10.5.1 Synchrenizers—Concept and implementation

Even though a complete system may be designed in a synchronous fashion, it must still commu-
nicate with the outside world, which is generally asynchronous. An asynchronous input can
change value at any time related to the clock edges of the synchronous system, as is illustrated in
Figure 10-52.

Consider a typical personal computer. All operations within the system are strictly orches-
trated by a central clock that provides 2 time reference. This reference determines what happens
within the computer system at any point in time. This synchronous computer has to communicate
with a human through the mouse or the keyboard, even though the human does not have knowl-
edge of this time reference and may decide to press a keyboard key at any point in time. The way
a synchronous system deals with such an asynchronous signal is to sample or poll it at regular
intervals and to check its value. If the sampling rate is high enough, no transitions will be
missed—this is known as the Nyguist criterion in the communication community. However, it
might happen that the signal is polled in the middle of a transition. The resulting value is neither
low nor high, but undefined. At that point, it is not clear whether the key was pressed or not. Feed-
ing the undefined signal into the computer conld be the source of all kinds of trouble. especially
when it is routed to different functions or gates that might interpret it differently. For instance,
one function might decide that the key is pushed and start a certain actton, while another function
might lean the other way and issue & competing command. This results in a conflict and thus a
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Figure 10-52 Asynchronous—synchronaus interface.

potential crash. Therefore, the undefined state must be resolved in one way or another before it is
interpreted further. It dees not really matier what decision is made, as long as a unique result is
available. For instance, i is either decided that the key is not yet pressed, a situation that will be
corrected in the next poll of the kevboard, or it is concluded that the key is already pressed.

Thus, an asynchronous signal must be resoived to be either in the high or low state before
it is fed iato the synchromous environment. A circuit that implements such 2 decision-making
function is called a synchronizer. Now comes the bad news: Building a perfect synchronizer
that always delivers a legal answer is impossible [Chaney73) [Glasser85]! A synchronizer
needs some time to come to a decision, and in certain cases this time might be arbitrarily long.
An asynchronous—synchronous interface is thus always proae te errors, known as synchroniza-
fion failures. The designer’s task is to ensure that the probability of such a fatlure is small
enougl that it is not likely to disturb the normal system behavior. Typically, this probability can
be redueed in an exponential fashion by waiting longer before making a decision. This is not too
troublesome in the kevboard example, but in general. waiting affects system performance and
should be avoided as much as possible.

To illustrate why waiting helps reduce the failure rate of a synchronizer, consider a syn-
chronizer as shown in Figure 10-33. This circuit is a latch that is transparent during the low
phase of the clock and samples the input on the rising edge of the clock CLK. However, since
the sampled signal is not synchrenized to the clock signal, there is a finite probability that the
setup time or hold time of the latch is viclated. {The probability is a strong function of the
transition frequencies of the input and the clock.) As a result, once the clock goes high, there
is a chance that the output of the latch resides somewhere in the undefined fransition zone.
The sampled signal eventually evolves into a legal 0 or 1, even in the latter case, as the laich
has oniy two stable states.

CLK
ing h
D EI r o
T

&
CLE —o<}—i

Figure 10-63 A simple synchronizer.
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Example 14,7 Synchronizer Trajectories

Figure 10-54 shows the simulated trajectories of the output nodes of a cross-coupled static
CMOS inverter pair for an initial state close to the metastable point. The inverters are com-
posed of minimum-size devices.

I‘,t.'fl!

RN =

4.0 y
4 164G 200 300

Time, ps

Figure 10-54 Simulated trajectory for a simpie synchronizer,

If the input is sampled sach that the cross-coupled inverter pair starts at the metasta-
bie point, the voltage will remain at the metastable state forever in the absence of noise. If
the data are sampied with a small offset (positive or negative), the differential voltage will
evolve in an exponential way, with a time constant that is dependent on the strength of the
transistors as well as the parasitic capacitances. The time it takes to reach the acceptable
signal zones depends upon the initial distance of the sampled signal from the metastable
point.

In order to determine the required waiting period, let us build a mathematical model of the
behavior of the bistable element and use the results o determine the probability of synchroniza-
tion failure as a function of the waiting period [ VeendricksG].

The transient behavior around the metastable point of the cross-coupled inverter pair is
accurately modeled by a system with a single dominant pole. Under this assumption, the tran-
sient response of the bistable element after the sampling clock has been turned off can be
modeled as

v(#) = Vo + {v{0) = Vyo)e'® (10.8)

where V5 is the metastable voltage of the latch, v(0) is the initial voliage after the sampling
cloek is turned off, and 1 is the time constant of the system. Simulations indicate that this first-
order model is quite precise.
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Figure 10-55 Linear approximation of signal slope.

'The model can now be used io compute the range of values for v({0) that causes an errer or
a voltage in the undefined range, after a waiting period 7. A signal is called undefined if its value
is situated betwesn ¥y, and Vi -

Vs = (Vs = Ve TS u(0) SV o + (Vi — Vigg)e™ T (10.9)

Equation {10.9) conveys an important message: The range of input voltages that cause a syn-
citronization error decreases exponentially with the waiting period T. Increasing the waiting
period from 21 to 41 decreases the intervai and the chances of an error by a factor of 7.4

Some information about the asynchronous signal is required in order to compute the prob-
ability of an error. Assume that V,, is a periodical waveform with an average period T,
belween transitions and with identical rise and fall times ¢.. Assume also that the slopes of the
waveform in the undefined region can be approximated by a linear function, ss shown in
Figure 10-33. Using this model, we can estimate the probability Py, that v(0), the value of V;, at

the sampling time, resides in the urdefined region:

(Vm - VH_) .
V.ﬂvfﬂg g {1{} 1 0)

faiit T T
signal

it

P

The chances for a synchrenization error to occur depend upon the frequeney of the syn-
chronizing clock, ¢. The greater the number of sampling events, the higher the chance of run-
ning into an error. This means that the average number of synchronization errors per second,
Ny(0). equals Eq. (10,11} if no synchronizer is used. Therefore, we can write

P, .
Nyl 0) = == (10.11)
&
where T, is the sampling period.
From Eq. {10.9), we learned that waiting a period 7 before observing the output reduces
exponentially the probability that the signal is still undefined:
Pt Vg~V )e T g

Ty = -2 = L (10.12)

igN(";.’;\'Hc{ v
’ Tﬂl swing Ts.*'g;m{TQ)
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The robustness of an asynchronous—synchronous interface is thus determined by the fol-
lowing parameters: signal swiiching rate and rise time, sampling frequency, and waiting time 7.

Exzample 10.8 Synchronizers and Mean Time fo Failure

Consider the following design example: Tj, = 5 ns, which corresponds to a 200-Mhz clock;
T=Ty=518; Ty = 30 n8;2,=0.5 ng; and 7 = 130 ps. From the VTC of a typical CMOS
inverter, it can be derived that ¥, — V,, approximately equals 0.5 V for a voltage swing of
2.5 V. Evaluation of Eq. {10.12) yields an eror probability of 1.38 x 107 errorsfs. The
inverse of N, is called the niean time to failre, or the MTF, and equals 7 X 1085, 0r 23

years. If no synchronizer were used, the MTF would have been only 2.5 ps!

When designing & synchronous—asynchrenous interface, we nust keep in mind the following observations:

+ The acceplabie failure rate of a system depends upon many economic and social factors and is &
strong funciion of the system’s application area.

+ The exponential relation in Eq. {10.12) makes the failure rate extremely sensitive to the value of T.
Defining a precise value of T is not easy in the first place, because T varies from chip to chipand is 2
function of temperature as well. The probability of an error occurring can thus fuctuate over large
ranges even for the same design. A worst case design scenario is definitely advoeated here. If the
worst case failure rate exceeds a certain criterion, it can be reduced by increasing the valee of T A
problem occurs when T exceeds the sampling period 7, This can be avoided by cascading {or pipe-
lining} 2 number of synchronizers, s shown in Figure 10-56. Each of those synchronizers hasa
waiting period equal to 7. Notice that this arrangement requires the ¢ pulse lo be shott enough o
avoid race conditions. The global waiting period equals the sum of the Ts of ali the individual syn-
chronizers. The increase in MTF comes at the expense of an increased latency.

I Gy O Out
——3=  Sync = Sync Sync —>»

s f i ]

Figure 10-56 Cascading {edge-triggered) synchronizers reduces
the main time to failure.

* Synchrontzation errors are very hard 1o trace, due to their random nature. Making the mean time to
failure very large does rot preclude errors. The number of synchronizers in a system should
therefore be severely restricted, A maximum of one or two par system is advocated. B

10.5.2 Arbiters

Finally, a sibling of the synchronizer called the arbiter, interlock element, or mutuai-exclusion
circuit, should be mentioned. An arbiter is an element that decides which of two events has
oceurred first. For example, such components allow multiple processors to access a single
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Figure 10-57 Muiual-exclusion element (or arbiter).

resource, such as a large shared memory. A synchronizer is actually a special case of an arbiter,
since it determines whether a signal transition happened before or after a clock event. A synchro-
nizer is thus an arbiter with one of its inputs tied to the clock,

An example of a mutnal-exclusion circuit is shown in Figore 10-57. It operates on two
input-request signals that operate on a four-phase signaling protocol; that is, the Regfuest) signal
has to go back to the reset state before a new Reg{uest} can be issued. The output consists of two
Ack{nowledge) signals that shouid be mutually exclusive. While Requests may occur concur-
rently, only one of the Acknowledges is allowed to go high. The operation is most easily visual-
ized starting with both mputs low—mneither device issaing a request—nodes A and B high, and
both Acknowledges low. An event on one of the inputs (e.g., ReqlT) causes the flip-fiop to
switch, node A to go low, and Ack1T. Concurrent events on both inputs force the Hip-flop into
the metastable state, and the signals A and B might be undefined for a while. The cross-coupled
outpul structure keeps the output values low uantil one of the NAND cutputs differs from the
other by more than a threshold value V. This approach eliminates glitches at the output.

10.6 Clock Synthesis and Synchronization Using a Phase-L.ocked Loop*

There are numerous digital applications that require the on-chip generation of a periodic signal.
Synchronous circuits need a global periodic clock reference to orchestrate the events. Current
microprocessors and high-performance digital cireuils require clock frequencies in the gipahertz
range. Crystal osciliators, by contrast, generate only accurate, low-jitter clocks over a frequency
range from 10's of MHz to approximately 200 MHz, To generate the higher frequency required
by digital circuits, a phasz-locked loop (PLL) structure iypically is used. A PLL takes an exter-
nal low-frequency reference crystal frequency signal and maultiplies its frequency by a rational
number & (see the left side of Figure 10-38).
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Figure 10-58 Applications of phase locked ioops {PLL).

Another and equally important function of a PLL is to synchronize communications
between chips. As shown in Figure 10-38, a reference clock is sent along with the paraliel data
being communicated. (In this example only the transmit path from chip 1 to chip 2 is shown.)
Since chip-to-chip communieation most often vccurs at 2 lower rate than the on-chip clock rate,
the reference clock is divided, but kept in phase with the system clock. In chip 2, the reference
clock is usad to synchronize all the inpui flip-flop, which can present a significant clock load in
the case of wide data busses. Unfortunately, implementing clock bulfers to deal with this prob-
lem introduces skew between the data and the sample clock. A PLL aligns (i.e., de-skews) the
output of the clock buffer with respect to the data. In addition, the PLL can multiply the fre-
quency of the incoming reference clock, allowing the core of the second chip to operate at 2
higher frequency than the input reference clock.

10.6.1 Basic Concept

A set of two or more periodic signals of the same frequency is well defined if we know one of
them and its phase with respect to the other signals, as shown in Figure 10-59, where &, and &,
represent the phases of the two signals. The relative phase is the difference between the two.

A PLL is a complex, nonlinear feedback circuit. Its basic operation is best understood with
the aid of Figure 10-60 [Jeong87]. The voltage-controilted oscillator (VCO) takes an analog con-
trol input and generates a clock signal of the desired frequency. In general, there is a nonlinear
relationship between the control voltage (v} and the output frequency. To synthesize a system
clock of a particular frequency, it is necessary to set the control voltage to the appropriate value.
This is a function of the rest of the blocks and the feedback loop in the PLL. The feedback loop
is critical to the tracking process and environmental variations. The feedback also allows for fre-
quency multiplication.

The reference clock is, in general, generated off chip from an accurate crystal refer-
ence. It is compared with a divided version of the system clock (i.e., the local clock), using a
phase detector, which determines the phase difference between the signals and produces an
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Figure 10-68 Relative and absolute phase of two periodic signals.
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Figure 10-68 Functional composition of a phase-locked loop {(PLL)

t/p or Down signal when the local clock lags or leads the reference signal, It detects which
of the two input signals arrives earlier and produces the appropriate output signal. The Up
and Down signals are fed into a charge pump, which iranslates the digital encoded centrol
information into an analog voltage [Gardner80]. An Up signal increases the value of the con-
1ol voltage and speeds up the VCO, which causes the local signal to catch up with the refer-
ence clock. A Bown signal, on the other hand, slows down the oscillator and eliminates the
phase lead of the local clock.

Passing the output of the charge pump directly into the VCO creates a jittery clock signal.
The edge of the Iocal clack jumps back and forth instantaneously and oscillates around the tar-
geted position, As discussed eartier, clock jitter is highly undesirable, since it reduces the time
available for logic computation, and therefore should be kept within a given percentage of the
clock period, This is partially accomplished by the introduction of the leop filter. This low-pass
filter removes the high-frequency components from the VCO control voltage and smooths out its
response, which results in a reduction of the jitter. Note that the PLL stoucture is a feedback
structure. The addition of extra phase shifts, as introduced by a high-order filter, may resulf in
instability. Important properties of 2 PLL ate its lock range, the range of input frequencies over
which the loop can maintain functionality; the lock time, the time it takes for the PLL to lock
onto a given inpuf signal; and the jitter. When in lock, the system clock is A times the reference
clock frequency.
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A PLL is an analog circuit and is inherently sensitive to noise and interference. This is
especially true for the loop filter and VCO, for which induced noise has a direct effect on the
resulting clock jitter. A major spurce of interference is the noise coupling through the supply
rails and the substrate. This is a particular concern in digital environments, where noise is intro-
duced by a variety of sources. Analog circuits with a high supply rejection, such as differential
VCCs, are therefore desirable {Kim90]. In summary, integrating a highly sensitive component
into z hostile digital environment is nontrivial and requites expert analog design. More detailed
deseriptions of various comporents of a PLL are given in the following subsections.

10.6.2 Building Blocks of a PLL

Voltage Controlled Oscillator (VCO)

A VCO generates a periodic signal with a frequency that is a linear function of the input control
voltage v, .. In other words, the VCO frequency can be expressed as

“cont

O = G+ Koo " Veans (10.13)

Since the phase is the time integral of the frequency, the output phase of the VCO block 1s
given by

!
é.}ou;' = @+ chcz ’ J‘ ycomdr {1054}

where K. is the gain of the VCO given in rad/s/V, o, is a fixed frequency offset, and v,
controls a frequency centered around ;. The output signal has the form
! 3
X1y = A- cos(mowxm-j Ve ) (10.15)

Various implementation strategies for VCOs were discussed in Chapter 7. Differential ring oscil-
lators are the method of choice af present.

Phase Detectors

The phase detector determines the relative phase difference between two incoming signals and
outputs a signal that is proportional to this phase difference. One of the inputs to the phase detec-
tor is a reference clock that typically is generated off chip, while the other clock input is a
divided version of the VCO. Two basic types of phase detectors are commonly used—the XOR
gate and the phase frequency detector (PFD).

XOR Phase Detector An XOR gate, the simplest of the two detectors, is useful as a phase
detector because of the following observation: the relative phase difference between the inputs is
refiected by the time over which the two inputs are different. Figure 10-61 shows the XOR-
function of two waveforms. Feeding this output in a low-pass filter results into a de-signal that is
preportional to the phase difference, as shown in Figure 10-61{c).
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Figure 10-61 (a} The XOR as a phase detecior; (b} its output before
low-pass filtering; and {c) transfer characteristics.

For this detector, a deviation in a positive or negative divection from the perfect in-phase
condition {i.e., a phase error of zero} produces the same change in duty factor, resulting in the
same average veltage. Thus the linear phase range is only 180 degrees. In steady state, a PLL
tocks inte a quadrature phase relationship (é cycle offset) between the two inputs.

Phase Frequency Detector The phase frequency detector {PFD) is the most commonly used
form of phase detector, and it solves several of the shortcomings of the detector discussed previ-
ously [Dally98]. As the name implies, the output of the PFD is dependent on both the phase and
frequency difference between the applied signals. Accordingly, it cannot lock t¢ an incorrect
multiple of the frequency. The PFD takes two clock inputs and produces two outputs, /P and
DN, as shown in Figure 10-62.

The PFD is a state machine with three states. Assume that both UZP and DN outputs are ini-
tially low. When input A leads B, the UP oulput is asserted on the rising edge of input A. The UP
signal remains in this state until a low-to-high transition occurs on input B, At that time, the DN
output is asserted, causing both fiip-flops to reset through the asynchronous reset signal. Notice
that there is a small pulse on the DN outpot, whose duration is equal to the delay through the
AND gate and register Reset-to-C delay. The pulse width of the UP pulse is equal to the phase
error between the two signals. The roles are reversed for {he case in which input A lags B. A
pulse proportional to the phase error is generated on the DN output. If the loop is in lock, short
pulses will be generated on the U/P and DN outputs.

The circuit also acts as a frequency detector, providing a measure of the frequency error
{see Figure 10-63}. For the case in which 4 is at a higher frequency than B, the PFD generaies a
lot more {/F pulses—with the average pulse proportional to the frequency difference—while the
number of DN pulses are close to zero, on average. Exactly the opposite is true for the case in
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Figure 10-62 Phase frequency detector.
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Figure 10-63 Timing of the PFD measuring frequency error.

which # has a frequency larger than that of A—many more pulses are generated on the DN out-

put than on the UF output.
The phase characteristics of the phase detector ate shown in Figure 10-64. Notice that the

linear range has been expanded to 411

Charge Pump

The &P and DN pulses must be converted into an analog voltage that controls the VCO. One
possible implementation is shown in Figure 10-65. A pulse on the UP signal adds an amount of
charge to the capacitor proportional to the widih of the /P puise, while a pulse on the DV signal
removes charge proportional o the DN pulse width. If the width of the UP pulse is larger than
that of the DA pulse, there is a net increase in the control voltage. This effectively increases the

frequency of the VCO.
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Figure 10-65 Charge pump.

Example 10.9 Transient Behavior of Phase-Locked Loop

The settling time of a PLL is the time it takes to reach steady-state behavior. The
iength of the startup transient is strongly dependent on the bandwidth of the leop fil-
ter. Figure 10-66 shows a SPICE level simulation of a PLL implemented in a 0.25-um
CMOS. An ideal VCO is used to speed up the simulation. In this example, a refer-
ence frequency of 100 MHz is chosen, and the PLL multiplies this frequency by 8 10
800 MHz. The Figure 10-66a illustrates the transient response and the seitling process
of the control voltage inpur of the VCO. Once the control voltage reaches its final
value, the output frequency (the clock of the digital system) settles to steady state.
The simulation on the right shows the reference frequency, the output of the divider,
and the output frequency in steady state. Figure 10-66b shows the PLL in lock at £,
= 8 X f,.. while Figure 10-66c shows the waveforms during the Jocking process when
the output is not in phase with the input, and the frequencies are not related vet by
the divide ratio.
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Figure 10-66 SPICE simulation of a PLL. The control voltage of the YCO is shown
along with the waveforms before lock and after iock.
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Summary

In a short span of time, phase-locked loops have become an essential component of any high-
performance digital design. Their design requires considerable skill, integrating analog circuitry
into 2 hostile digital environment. Yet experience has demonstrated that this combination is per-
fectly feasible, and it leads te new and better solutions.

10.7 Future Directions and Perspectives

This section highlights some of the trends in timing optimization for combining high perfor-
mance and low power dissipation.

10.7.1 Distributed Clocking Using Dl.Ls

A recent trend in high-performance clocking is the use of delay locked loop (DLL}, a variation
of the PLL structure, The schematic of a DLL is shown in Figure 10-67a [Maneatis00]. The key
component of a DLL is a voltage-controlled delay line (VCDL). It consists of a cascade of
adjustable delay elements (for instance, a current-starved inverter). The idea is to delay the out-
put clock such that it lines up perfectly with the reference. Unlike the case of a VCO, there is
no clock generator. The reference frequency is fed into the input of the VCDL. Similar to the
case of a PLL structure, a phase detector compares the reference frequency with the output of
the delay line (Fp) and generates an UP—DN error signal. Note that only a phase and not a phase-
frequency detection, is required. When in lock, there is no error between the two clocks. The
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Figure 10-67 Delay-locked loop [Maneatis00]

function of the feedback is to adjust the delay through the YCDL such that the rising edge of the
input reference clock (fzep) and the output clock (/) are aligned.

A qualitative sketch of the signals in the DLL is shown in Figure 10-67b and ¢. Iaitially,
the DLL is out of lock. Since the first edge of the ontput arrives before the reference edge, an /P
pulse of width equal to the error between the two signals occurs. The role of the charge pump is
to generate a charge packet proportional to the erroy, increasing the VCDL control voltage. This
causes the edge of the cutput signal to be delayed in the next cycle. (This implementation of the
VYCDL assumes that a larger voliage results in larger delay.) After many cycles, the phase error is
corrected, and the two signals are in lock. Note that a DLL does not alter the frequency of the
input reference, but rather adjusts its phase.

Figure 10-68 shows the utilization of a DLL structure in a clock distribution aetwork. The
chip is partitioned into many small regions {or tiles}. A global clock is distributed to each tile in
a low-skew manner; this could be done through the package or by using low-skew, on-chip rout-
ing schemes. For the purpose of simplicity, the figure shows a two-tile chip, but this is easily
extended to many regions. Inside each tile, the global clock is buffered before driving the digital
load. In tront of each buffer is a VCIDIL. The goal of the clock network is 1o deliver a signal to the
digital circuit with close-to-zero skew and jitter. As we aobserved earlier, the static and dynamic
variations of the buffers cause the phase error between the buffered clocks to be nonzero and
time varying. The feedback inside each tile adjusts the control voliage of VCDL such that the
buffered output is locked in phase to the global input clock. The feedback loop compensates for
both static process variations and for slow dynamic variations (e.g., temperature}, Such configu-
rations have become commion in high-performance digital microprocessers, as well as in media
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Figure 10-68 DLL approach to clock distribution.

processors. The preceding approach of clock distribution using multiple DLLs can be extended
to the use of multipie distributed FLLs on a chip [Guinik00]. Distributed PLLs offer potential
performance advantages, but careful system analysis is required for stable operation.

10.7.2 Optical Clock Distribution

By now, the reader should have become aware of the fact that future high-performance multi-
GHz systems face some fundamental synchronization problems. The performance of a digital
design is fundamentally limited by process aad environmental variations. Even with aggressive
active clock management schemes, such as the use of DLLs and PLLs, the variations in power
supply and clock load result in unacceptable clock uncertainty. Researchers are furiously search-
ing for innovative solutions. An alternative approach that has received a lot of attention is the use
of optics for systemwide syachronization. An excellent review of the rationale and trade-offs in
optical interconnects versus electrical interconnects is given in [MillerO0}

The potential advantages of optical technology for clock distribution are that the delay of
optical signals is not sensitive to temperature and that the clock edges do not degrade over long
distances {ie., tens of meters). In fact, it is possible 1o deliver an optical clock signal with, at
most, 10-100 ps of uncertainty over tens of meters. Optical clocks can be distributed on-chip via
waveguides or through free space. Figure 10-69 shows the plot of an optical clock architecture,
using wavegnides, The offchip optical sowrce is brought to the chip. distributed through
wavegnides, and convertect through receiver circuitry to a Jocal electrical clock distribution nei-
work. The chip is divided into small sections {or tiles), and the global clock is distributed from
the photon source through waveguides with splitters and bends to each of the sections. Notice
that an H-tree is used in distributing the optical clock. At the end of the waveguide is a photode-
tector, which can be implemented using silicon or germanium. Upon reaching the detector in
each section, the optical pulses that represent the global clock are converted into current pulses,
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Figure 10-89 Architecturs for optical clock distribution {courtesy of Lionel Kimerling).

These have a very small magnitude (tens of pA}, and are fed into o amplifier that amplifies the
signal into voltage signals appropriate for digital processing. The electrical clock is then distrib-
uted to the locai load using conventional technigues [Kimerling001L

The optical approach has the advantage that the skew of the giobal clock to the photodec-
tors is virtually zero. There are some variations in the arrival time of the optical signal, but they
are minimal. For instance, variations at the waveguide bends may cause the energy losses to dif-
fer from path to path. Optics has the additional advantage that many of the difficulties associated
with electromagnetic wave propagation—such as cross talk and inductive coupling--are
avoided.

On the other hand, the challenge lies in the design of the optical receiver. To amplify and
fransform the small current pulses into reasonable voliage signais requires multiple amplifier
stages. These are susceptible to process and environmental variations, and thus also to skew. The
problem becomes very similar to the conventional electrical approach. The advantage, however,
is that the problem is confined to these receivers, which makes 1t more tractable.

Optical clocking may have an important future in high-performance systems. The chal-
lenges of dealing with process variations in the opto-elecironic circuiiry must be addressed first
for this to become & reality.

10.7.3 Synchronous versus Asynchronous Design

The self-timed approach offers a potential solution to the growing clock-distribution probiem. It
ransiates the giobal ciock signal into a number of local synchronization problems. Indepen-
dence from physical timing constraints is achieved with the aid of completion signals, Hand-
shaking logic is needed to ensure the logical ordering of the circuit evenis and to avoid race
conditions. This requires adherence to a certain protocol, which normally consists of either two
or four phases.

Despite all its advantages, self-timing has oniy been used in a number of isolated cases.
Examples of self~timed circuits can be found in signal processing [Jacobs%0], fast arithmetic
units (such as seif-timed dividers) [Williams87], simple microprocessors [Martin89] and mem-
ory (static RAM, FIFOs). In general, synchronous logic is both faster and simpler, since the
overhead of completion-signal generation and handshaking logic is avoided. The design of a
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foelproof network of handshaking units that is robust with respect [o races, live lock, and dead
lock is nontrivial and requires the availability of dedicated design-automation tools.

On the other hand, distributing a clock at high speed becomes exceedingly difficult. Skew
management requires extensive modeling and analysis, as well as careful design. It will not be
easy to extend this methodology inte the next generation of designs. With the increasing timing
uncertainty in synchronous circuits, self-timing is bound to become more attractive in the years
to come [Sutherland(2]. This observation is already reflected in the fact that the routing network
for the latest generation of massively parallel supercomputess is completely implemented using
seif-timing [Seitz92]. For self-timing to become a mainstream design technigue, however (if it
ever will), further innovations in circuit and signaling techniques and design methodologies are
needed.

Other alternative timing approaches might emerge as well. Possible candidates are fully
asynchronous designs or islands of synchronous units connected by an asynchronous network.
The latter method, called the globaliy-asynchronous locally—synchronous approach, is quite
attractive. It avoids the pitfalls of seli-timed design at the local circuit level, while eliminating
the need for strict phase synchronization between blocks that are quite distant from each other
on the die. In fact, the pure phase-synchronicity requirement between large modules in a system-
on-a-chip is most often too large a constraint. Mesochronous or plesicchronous communication
would work just as well. Bt is our conjecture that these styles of synchronization will become
much more common in the coming decade.

10.8 Summary

This chapter has explored the timing of sequential digital circuits:

*» An in-depth analysis of the synchronous digital circuits and clocking approaches was pre-
sented. Clock skew and jitter substantially impact the functionality and performance of a
system. Important parameters are the clocking scheme used and the nature of the clock
generation and distribution network.

+ Alternative timing approaches, such as self-rimed design, are becoming attractive for deal-
ing with clock distribution problems. Self-timed design uses completion signals and hand-
shaking logic to isolate physical timing constraints from event ordering.

» The connection of synchronous and asynchronous components introduces the 11sk of syn-
shronization failure. The intreduction of synchronizers helps to reduce that risk, but can
never eliminate it.

» Phase-locked leops are becoming an important element of the digital designer™s toolbox.
They are used to generate high-speed clock signals on a chip. The analog nature of the
P11 makes its design a real challenge.

= Important trend in clock distribution include the use of delay-locked loeps 10 actively
adjust delays on a chip.

» The key message of this chapter is that synchronization and timing are among the most
intriguing challenges facing the digital designer of the next decade.
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10.9 To Probe Further

While system timing is an important topic, a comprehensive reference work is nol available in
this area. One of the best discussions so far is the chapter by Chuck Seitz in [Mead80, Chapter 71,
Other in-depth overviews are given in [Bakoglu90)], [Johnson93, Chapter 11], [Bernstein98,
Chapter 7}, and [ChandrakasanQG, Chapters {2 and 13). A collection of papers on clock distribu-
tion nelworks is presented in {Iriedman93]. Numerous other publications are available on this
topic in the leading journals, some of which are mentioned in the following list of references.
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Exercises and Design Problem

Visit the book’s web site hitp://bwrc.eecs.berkeley.edv/IcBook for challenging exercises and design problems.
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DESIGN METHODOLOGY INSERT

G

Design Verification

Simulation versus Verification
Electrical and Timing Verifieation

Formal Verification

Up to this point, we have relied heavily on simulation as the preferred method for ensuring the
correctness of a design and for extracting critical parameters such as speed and power dissipa-
tion. Simulation is, however, only one of the technigues the designer has in his toolbox to
accomplish those objectives. In general, it is useful to differentiate between simulation and
verification.

In the simuiation approach, the value of a design parameter such as noise margin, propaga-
tion delay, or dissipated energy is determined by applying a set of excitation vectors to the cir-
cuit model of choice and extracting parameters from the obtained signal waveforms. While this
approach is very ficxible, it has the disadvantage that the resuits depend strengly upon the choice
of the excitations. For example, 2 charge-redistribution condition in a dynamic logic gate is not
detected by a simulation if the exact sequence of input patterns that causes the charge sharing is
not applied. Similarly, the delay of an adder varics widely depending on the input signal. Identi-
fication of the worst-case delay requires a careful choice of the excitation vector so that the com-
plete carry path is exercised. In other words, the designer must have a good understanding of the
intrinsics of the circuit moduie and its operation. Failing to do so produces meaningless resuits.
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Verification, on the other hand, attempts to extract the system parameters directly from the
circuit description. For instance, the critical path of an adder can be recognized from an inspec-
tion of the circuit diagram or a model of it. ' This approach has the advantage that the result is
independent of the choice of excitation vectors and is supposedly foolproof. On the other hand,
it relies on a number of implicit assumptions regarding design techniques and methodologies.
For the example of the adder, determination of the propagation delay requires an understanding
of the logic operation of the composing circnitry—for example, dynamic or static logic-and a
definition of the termy propagation delay. As a second example, it is necessary to identify the reg-
ister elements first before the maximum clock speed of a synchronous circuit can be determined.
The resulting tools are therefore restricted in scope and handle only a limited class of circuit
styles, such as single-phase synchronous design. In this insert, we analyze a number of the pop-
ular verification techniques.

Electrical Verification

Given the transistor schematics of a digital design, it is possible to verify whether a number of
basic rules are satisfied. Some examples of typical rules help illustrate this concept, and many
gthers can be derived from previous chapters:

* The number of inversions between two C*MOS gates should be even.

+ In a pseudo-NMOS gate, a well-defined ratio between the PMOS pull-up and NMOS puil-
down devices is necessary to goarantee a sufficient noise-margin low MM,

= To ensure that rise and fall times of the signal waveforms stay within limits, minimum
bounds can be set on the sizes of the driver transistors as a funciion of the fan-out.

= The maximum amount of charge sharing in a dynamic design should be such that the
noise-margin high is not viclated.

Pure common sense can help define a large set of rujes to which a design should always
achere. Applying them reguires an in-depih understanding of the circuit structure. An electrical
verifier, therefore, starts with the identification of well-knows substructures in the overall circuit
schematic. Typical templates are simple logic gates, pass transistors, and registers. The verifier
traverses the resulting network on a rule-per-rule basis. Since electrical rules tend to be specific
to a particular design style, they should be able to be easily modified. For example, rude-based
expert systems allow for an easy updating of the rule base [DeMan85). The individual rules can
be complex and even invoke a circuit simulator for a small subsection of the network to verify
whether a given condition is met. In summary, electrical verification is a helpful tooi, and it can
dramatically reduce the risk of malfunction.

Fiming Verification
As circuits become more complex, it is increasingly difficult to define exactly which paths

through the network are critical with respect to timing. One solution is to run extensive SPICE
simuslations that may take a long time to finish. Even then, this does not guarantee that the iden-
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Figure G-1 Example of false path in timing verification.

tifted critical path is the worst case, since the delay path is a function of the applied signal pat-
terns. A timing verifier traverses the electrical network and rank-orders the various paths, based
on delay. This delay can be determined in a number of ways. One approach is to build an RC-
model of the network and compute bounds on the delay of the resulting passive network. To
obtain more accurate results, many timing verifiers first extract the details of the longest path(s},
based on the RC-model, and perform circuit simulation on the reduced cirenit in order to obtain
a better estimation. Examples of early timing verifiers are the Crystal {QOusterhout83] and TV
[Iouppi&4] systems.

One problem that hampered many earlier systems is that they identified false paths—ithat
is, critical paths that can never be exercised during normal circuit operation. For example, a false
path exists in the carry-bypass adder discussed in Chapter 11 (also shown in simplified form in
Figure G-1). From a simple analysis of only the circuit topology, one would surmise that the
critical path of the circuit passes through the adder and multiplexer modules as iliustrated by the
arrow. A closer leok at the circuit operation reveals that such a path is not feasible. All individual
adder bits must be in the propagate mode for Iif to propagate through the complete adder. How-
ever, the bypass signal is asserted under these conditions, and the bottom path through the multi-
plexer is selected instead. The actual critical path is thus shorter than what would be predicted
from the first-order analysis. Detecting lalse timing paths is not easy, since it requires an under-
standing of the logic functionality of the network. Newer timing verifiers are remarkably suc-
cessfid in accomplishing this and have become one of the more important design aids for the
high-performance circuit designer [Devadas9!].

Example G.1 Example of Timing Verification

The output of a static fiming verifier, the PathMill tool from Synopsys [PathMill], is
shown in Figure G-2, The input to the verification process is a transistor netlist, but gate-
and block-level models can be included as well. The analysis considers capacitive and
resistive parasitics that are obtained from the transistor schematic or layout extraction.
The output of the fiming analysis is an ordered list of critical timing paths. For the
example of Figure G-2, the longest path extends from node 8 {falling edge) to node ¥ (fali-
ing edge} over nodes 51, §2, and X2. The predicted delay is 1.14 ns. Other paths close to
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Figure G-2 Example of stalic timing verifier response as generated by the PathMill
tool (Courtesy of Synopsys, Inc). The resulis are displayed using the Cadence DFIf
tool. The eritical fiming path runs from node 5o node Yvia nodes 871, 82, and X3.

the critical one are in order of decreasing delay: B (F) = Y (R) (1.1l ns), B{R) = ¥ {F)
{1.04 ns), C (K — Z{R) (1.04 ns), and D (R) -» Y (R) {1.00 ns). Observe that the circuit
contains mukiiple chained pass transistors that make the analysis complicated and increase
the chances for false paths to accur. An example of the latter is the path A(F} = X1 — X3
— Z(R) for B = 0. For a low value on B, node Z can only make a falling transition.

Functional {or Formal) Verification

Each component (transistor, gate, or functional block) of a circuit can be described behaviorally
as a function of its inputs and internal state. By combining these component descriptions, an
overall circuit model! can be generated that symbaolically describes the behavior of the complete
circuit. Formal verification compares this derived behavior with the designer’s initial specifica-
tion. Although not identical, the two descriptions need to be mathematically equivalent for the
circuit to be correct.
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Formal verification is the designer’s ultimate dream of what design automation should be
able 1o accomplish—proof thar the circuit will work as specified. Unformmately, no general and
widely accepted verifier has yet been realized. The complexity of the problem is illustrated by
the foliowing argument: One way to prove that two circuit descriptions are identical is to com-
pare the outputs while enumerating all possible inpat patierns and sequences thereof, This is an
intractable approach with a computation time exponential in the number of inputs and states,

This does not mean that formal verification is a fantasy, however. Techniques have been
proposed and successfully implemented for certain classes of circuits. For instance, assuming
that a circuit is synchronous helps minimize the search space. Proving the equivalence between
state machines has been one of the main research targets and has led to some remarkable
advances {e.g.. [Coudert90y). In general, formal verification techniques falt into two major
classes:

¢ Equivalence Proving—Design oflen follows a refinement approach. An initial high-level
description is refined inte a more detailed one in a step-by-step fashion. Equivalence-
proving tools establish that the obtained result is functionally equivalent to the original
description. As an example, such a tool could establish that the transistor schematic of an
N-input static CMOS NAND gate truly implements the intended NAND function.

s Property Proving-—A designer often wants to know if her creation possesses some well-
defined properties. A possible requirement could be, “My circuit should never experience
a vace condition.” A property-proving tool analyzes whether this goal is met; if it is not
met, the ool also analyzes the circumstances.

One of the prime necessities for formal verification to work is that the design is described in a
manner that is unambiguocus and that has a clearly defined meaning (or semantics}. When these
conditions are met, formal-verification techniques have yielded some remarkable results and are
very effective. For instance, finite-state machines (FSMs) represent an area where formal verifi-
cation has made some major advances. The secret to the success is a well-defined mathematical
description model.

Summasary

Although not yet in the mainstream of the design-automation process, functional verification
might become one of the important assets in the designer’s toolbox. For this to happen, impor-
tant progress must be made in the fields of design specification and interpretation.
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11.8 Perspective: Design as a Trade-oif
11.8 Summary
11.10 To Probe Further

11.1 Introduction

After the in-depth siudy of the design and optimization of the basic digital gates, it is time to test
our acquired skills on a somewhat larger scale and put them in a more system-oricnted
perspective.

We will apply the techniques of the previous chapters to design a number of circuits often
used in the datapaths of microprocessors and signal processors. More specifically, we discuss
the design of a representative set of modules such as adders, multipliers, and shifters. The speed
and power of these elements often dominates the overall system performance. Hence, a careful
design optimization is required. It rapidly becomes obvious that the design task is not straight-
forward. For each module, multiple equivalent logic and circuit topologies exist, each of which
has its own positives and negatives in terms of area, speed, or power,

Although far from complete, the analysis presented helps focus on the essential trade-offs
that must be made in the course of the digital design process. You will see that optimization at
only one design level—for instance, through transistor sizing only—leads to inferior designs. A
global picture is therefore of crucial importance. Digital designers focus their atiention on the
gates, circuits, or transistors that have the largest impact on their goal function. The noncritical
parts of the circuit can be developed routinely. We also may develop first-order performance
models that foster understanding of the fundamental behavior of a module. The discussion also
clarifies which computer aids can help to simplify and automate this phase of the design process.

Before analyzing the design of the anithmetic modules, a short discussion of the role of the
datapath in the digial-processor picture is appropriate. This not only highlights the specific
design requitements for the datapath, but also puts the rest of this book in perspective. Other
processor modules—the inputfouiput, controtler, and memory modules—have different require-
ments and were discussed in Chapter 8. After an analysis of the area-power-delay trade-offs in
the design of adders, multipliers, and shifters, we will use the same structures (o illustrate some
of the power-minimization approaches introduced in Chapter 6. The chapter concludes with a
short perspective on datapath design and its trade-offs.

11.2 Datapaths in Digital Processor Architectures

We introduced the concept of a digital processor in Chapter 8. Tts components consist of the
datapath, memory, control, and input/output blocks. The datapath is the core of the processor—
this is where all computations are performed. The other blocks in the processor are support umits
that either store the resulis produced by the datapath or help to determine what will happen in
the next cycle. A typical datapath consists of an interconnection of basic combinational func-
tions, such as arithmetic operators (additicn, multiplication, comparison, and shift} or logic
(AND, OR, and XOR). The design of the arithimetic operators is the topic of this chapter. The
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Figure 11-1 Bit-sliced datapath organization.

intended application seis constraints on the datapaih design, In some cases, such as in personal
computers, processing speed is everything. In most other applications, there is a maximum
amount of power that is allowed to be dissipated, or there is maximum energy available for com-
putation while maintaining the desired throughput.

Datapaths often are arranged in a bif-sliced organization, as shown in Figure 11-1, Instead
of operating on single-bit digital signals, the data in a processor are arranged in a word-based
fashion. Typical microprocessor datapaths are 32 or 64 bits wide, while the dedicated signal pro-
cessing datapaths, such as those in DSL modems, magnetic disk drives, or compact-disc players
are of arbitrary width, typically 3 to 24 bits, For instance, a 32-bit processor operaies on data
words that are 32 bits wide. This is reflected in the organization of the datapath. Since the same
operation frequently has to be performed on each hit of the data word, the datapath consists of
32 bit shices, each operating on a single bit—hence the term bir sficed, Bit slices are either iden-
tical or reseimble a similar structure for ali bits. The datapath designer can concentrate on the
design of a single slice that is repeated 32 times.

11.3 The Adder

Addition is the most commonly used arithmetic operation. It often is the speed-limiting element
as well. Therefore, careful optimization of the adder is of the utmost importance. This optimiza-
tion can proceed either at the logic or circait level. Typical logic-level optimizations try to rear-
range the Boolean equations so that a faster or smaller circuit is obiained. An example of such a
logic optimization is the carry lookahead adder discussed later in the chapter. Circuit optimiza-
tions, on the other hand, manipulate transistor sizes and circuit topology to optimize the speed.
Before considering both optimization processes, we provide a short summary of the basic defini-
ttons of an adder circuit {as defined in any book on logic design Je.g., Katz94]).

11.3.1 The Binary Adder: Definifions

Table i1.1 shows the truth table of a binary fulf adder. A and B are the adder inputs, C,is the
carry input, 5 is the sum output, and C, is the carry output. The Boolean expressions for § and C,
are given in BEq. {11.1}.
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Table 111  Truth table for full adder.

A B C; ) s c, Carry Status
0 0 o G Q delete
G ] I i O delete
G H G i 0 propagele
G 1 1 0 1 propagate
1 0 0 1 0 propagate
i 0 i 1] ! propagate
l i g G H generate/propagate
1 H i i i generate/propagale
S=A@BD®C,
= ABC;+ ABC;+ ABC;+ ABC, {1LD

C. = AB+BC. +AC(,

It is often useful from an implementation perspective to define 5 and €, as functions of
some intermediate signals G (generate}, D {delete), and P (propagate}.‘ G=1(D=1)ensures
that a carry bit will be generared {deleted) at C, independent of C, while P = 1 guarantees that
an incoming carry will propagate to C,. Expressions for these signals can be derived from
inspection of the truth table:

G = AB
D = AB (11.2)
P=A®SB

We can rewrite § and C, as functions of P and G (or D)
C,(G,P) = G+ PC;
° (13
S(G,P) = P®C;

Notice that G and £ are only functions of 4 and B and are not dependent upon C;. In a simikar
way, we can also derive expressions for S(D, P) and C (D, P).

INate that the propagate signal sometimes is also defined as the OR function of the inpats A and B-—this condition guai-
antess that the nput carry propagaies to the owtput when A = B= 1, too. We will provide sppropriste waming whenever
this definition is used.
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Figure 11-2 Four-bit ripple-carry adder: topology.

An N-bit adder can be constructed by cascading N full-adder (FA) circuits in series, con-
necting C,;_, to C;, for k=1 to N—1, and the first carry-in ;, to 0 (Figure 11-2). This configu-
ration is calied a #ipple-carry adder, since the carry bit “ripples” from one stage to the other. The
delay through the circuit depends upon the number of logic stages that must be traversed and is a
function of the applied input signals. For some input signals, no rippling effect ocours at all,
while for others, the carry has to ripple all the way from: the least significant bit {{sb) t0 the most
significant bit {msh). The propagation delay of such a structure (also called the critical path) is
defined as the worst case delay over all possible input patterns.

In the case of the ripple-carry adder, the worst case deiay happens when a carry generated
at the least significant bit position propagates all the way to the most significant bit position.
This carry is finally consumed in the last stage to produce the sum. The delay is then propor-
tional to the number of bits in the input words & and is approximated by

Ladder = (N = 1)1 (11.4)

CHEEY + '?.‘q‘[ii?i

where .., and f,,,,,

equal the propagation delays from C; to C, and §, respectively.?

Example 11.1 Propagation Delay of Ripple-Carry Adder

Deerive the values of A, and B, (k = 0...N — [} so that the worst case delay is obtained for
the ripple-cary adder.

The worst case condition requires that a carry be generated at the Isb position. Since
the input camry of the first full adder Cy is always O, this both A and By must equal 1. All
the other stages must be in propagate mode. Hence, either A; or B; must be high. Finally,
we would like to physically measure the delay of a transition on the ssh sum bit. Assum-
ing an initial value of O for §,,_;, we must arrange a 0 — I wransition. This is achieved by
setting both A, and By, to 0 {or 1), which yields a high sum bit given the incoming
carry of 1.

For example, the following values for A and B trigger the worst case delay for an 8-
bit addition:

A: 0000001; B: GL1LELEL

*Bquation {1 1.4) assumes that both the delay from the input signals 4, for Bg) 10 €, 5 for the #5b, and the Crto-C, delay

for all other bits equal to 1,
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To set-up the worst case delay transition, all the inputs can be kept constant with A,
undergoing a 0 — 1 transition.

The left-most bit represenis the msb in this binary representation. Observe that this
is only one of the many worst case patterns. This case exercises the 0 — 1 delay of the
final sum. Derive several other cases that exercise the 0 — 1 and 1 - 0 transitions.

Twe important conclusions can be drawn from Eq. (11.4):

« The propagation delay of the ripple-carry adder is lineariy proportional to N. This property
becomes increasingly important when designing adders for the wide data paths
{N =16...128} that are desirable in carrent and future computers.
* When designing the full-adder cell for a fast ripple-carry adder, it is far more important to
optimize f,,,,, than ,,,,. since the latter has only a minor influence on the total valus of 7,
Before starting an in-depth discussion on the circuit design of full-adder cells, the follow-
ing additional logic property of the full adder is worth mentioning:
Inverting all inputs to a full adder results in inverted values for all outputs.
This property, also called the inverting property, is expressed in the pair of equations
S(A,B.C)) = S(A, B, C)
__ _ (11.5)
C(A4, B C)=C,ABC)

and will be extremely useful when optimizing the speed of the ripple-carry adder. It states that
the circuits of Figure 11-3 are identical.

11.3.2 The Full Adder: Circuit Design Considerations

Static Adder Circuit

One way o implement the full-adder circuit is to take the logic equations of Eq. {11.1) and
transiate them directly into complementary CMOS circuitry. Some logic manipulations can help
to reduce the transistor count. For instance, it is advantageous to share some logjc between the

A B A B
Vo o
Ci— FA |»C, = CG->q4 Es p»C,
! {

3 s

Figure 11-3 Inveriing property of the full adder.
The circles in the schematics represent inverters.
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Figure 11-4 Complementary static CMOS implementation of full adder.

sum- and carry-generation subcircuits, as long as this dees not slow down the carry generation,
which is the most critical part, as stated previously. The following is an example of such a reor-
ganized equation set:

C, = AB+BC,+ AC,
and {11.6)

S = ABC,+C {A+B+C)

The equivalence with the original equations is easily verified. The corresponding adder design,
using complementary static CMOS, is shown in Figure 11-4 and requires 28 transistors. In addi-
tion to consuming a large area, this circuitis slow:

= Tall PMOS transistor stacks are present in both carry- and sum-generation circuits.

* The imrinsic load capacitance of the €, signal is large and consists of two diffusion and
six gate capacitances, plus the wiring capacifance,

* The signal propagates through two inverting stages in the carry-generation circnit, As
mentioned earlier, minimizing the carry-path delay is the prime goal of the designer of
high-speed adder circunits. Given the small load (fan-out) at the output of the carry chain,
having two logic stages is too high a number, and leads to extra delay.

+ The sum generation requires one extra logic stage, but that is not that important, since a
factor appears only once in the propagation delay of the ripple-carry adder of Eq. (11.4),
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Even celt Gdd cell
Ay By Ay By Ay By Ay B
Cio Con Con Coa Can
—: FA' p—>»q FAS > FA' pp—»3g FA' >
Sa 55 5y 5
Figure 11-8 Inverter elimination in carry path. FA’ slands for a full

adder without the inverter in the carry path.

Although slow, the circuit includes some smart design tricks. Notice that the first gate of
the carry-generation circuit is designed with the G, signal on the smaller PMOS stack, lowering
its logical effort to 2. Also, the NMOS and PMOS transistors connected to C; are placed as close
as possible to the output of the gate. This is a direct application of a circuit-optimization tech-
nigue discussed in Section 4.2—transistors on the critical path should be placed as close as pos-
sible to the output of the gate. For instance, in stage & of the adder, signals A, and By are available
and stable long before C,, (= C,,_,) arrives after rippling through the previous stages. In this
way, the capacitances of the internal nodes in the transistor chain are precharged or discharged in
advance. Og arrival of C, ,, only the capacitance of node X has to be {(disjcharged. Putting the
C, ; transistors closer to Vi, and GND would require not only the (dis)charging of the capaci-
tance of node X, but also of the internal capacitances,

The speed of this circuit can now be improved graduatly by using some of the adder prap-
erties discussed in the previous section, First, the number of inverting stages in the carry path
can be reduced by exploiting the inverting property-—inverting all the inputs of a full-adder ceil
also inverts all the outputs. This rule allows us to eliminate an inverter in a carry chain, as dem-
onstrated in Figure 11-5.

Mirror Adder Design

An improved adder circuit, also calfed the mirror adder, is shown in Figure 11-6 [Weste931. Its
operation is based on Eq. (11.3). The carry-generation circuitry is worth analyzing. First, the
carry-inverting gate is eliminated, as suggested in the previous section. Secondly, the PDN and
PUN networks of the gate are not dual. Instead, they form a clever implementation of the propa-
gatefgenerate/delete function—when either D or G is high, C, is set to ¥V or GND, respec-
tively. When the conditions for a Propagute are valid (or P is 1) the incoming carry is
propagated (in inverted format} to C,,. This results in a considerable reduction in both area and
delay. The analysis of the sum circuitry is left to the reader. The following observations are
worth considering:

« This full-adder cell requires only 24 transistors.

3The £ = 4 + B definition of the propagate signal is used here.
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Flgure 11-6 Mirror adder—circuit schematics.

« The NMOS and PMOS chains are completely symmetrical, which still yields correct oper-
ation due to self-duality of both the sum and carry functions. As a resuit, a maximum of
two series transistors can be found in the carry-generation circuitry.

*» The transistors connected to C; are placed closest to the output of the gate.

» Only the transistors in the carry stage have to be optimized for speed. All transistors in the
sum stage can be of minimuom size, When laying out the cell, the most critical issue is the
minimization of the capacitance at node C,. Shared diffusions reduce the stack node
capacitances.

» In the adder cell of Figure 11-4, the inverter can be sized independently to drive the C,
input of the adder stage that follows. If the carry circuit in Figure 11-6 is symmetrically
sized, each of its inputs has a logical effort of 2. This means that the optimal fan-out, sized
for minimum delay, shouid be (4/2) = 2. However. the output of this stage drives (wo infer-
nal gate capacitances and six gate capacitances in the connecting adder cell. A clever solu-
tion to keep the transistor sizes the same in each stage is to increase the size of the canry
stage to about three o four times the size of the sum stage. This maiatains the optimal fan-
out of 2. The resulting transistor sizes are annotated on Figure 11-6, where a PMOS/
NMOS ratio of 2 is assumed.

Transmission-Gate-Based Adder

A full adder can be designed to use maltiplexers and XORs. While this is impractical in 2 com-
plementary CMOS implementation, it becomes atiractive when the multiplexers and XORs are
implemented as transmission gates. A full-adder implementation based on this approach is
shown in Figure 11-7 and uses 24 transistors. It is based on the propagate—generate model,
introduced in BEg. {11.3). The propagate signal, which is the XOR of inputs A and B, is used to
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Figure 11-7 Transmission-gate-based full-adder celt with sum and carry delays
of similar value (after {Waste83j).

select the true or complementary value of the input carry as the new sum cutput. Based on the
propagate signal, the output carry is either set to the input camry, or either one of inputs A or 8.
One of interesting features of such an adder is that it has similar delays for both sum and carry
outputs.

Manchester Carry-Chain Adder
The carry-propagation circuitry in Figure 11-7 can be simplified by adding generate and delete
signals, as shown in Figure 11-8a. The propagate path is unchanged, and it passes C; to the C,
output if the propagate signal { A; @ B,) is true. If the propagate condition is not satisfied, the out-
put is either pulled low by the D, signal or pulled up by G, The dynamic implementation
(Figure 11-8b), makes even further simplification possible. Since the fransitions in a dynamic
circuit are monotonic, the transmission gates can be replaced by NMOS-only pass transistors.
Precharging the output eliminates the need for the kill signal (for the case in which the carry
chain propagates the complementary values of the carry signals).

A Manchester carry-chain adder uses a cascade of pass transistors to implement the carry
chain [Kilburn60)]. An exampie, based on the dynamic circuit version introduced in Figure 11-8,
is shown in Figure 11-9. During the precharge phase ($ = 0}, all intermediate nodes of the pass-
transistor carry chain are precharged to Vipp. During evaluation, the Ay node is discharged when
there is an incoming carry and the propagate signal 2, is high, or when the generate signal for
stage k (G} is high.

Figure 11-10 shows an example layout of the Manchester carry chain in stick-diagram for-
mat. The datapath layout consists of three rows of cells organized in bit-sliced style: The top row
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Figure 11-8 Manchesler carnry gates. {a) Static, using propagate, generate,
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Figure 11-9 Manchester carry-chain adder in dynamic logic {four-bit sectionj.

of cells computes the prepagate and generate signals, the middle row propagates the carry from
left to right, and the bottom row generates the final sums.

The worst case delay of the carry chain of the adder in Figure 11-9 i modeled by the lin-
sarized RC network of Figore 11-11. As derived in Chapter 4, the propagation delay of such a
nelwork equals

N i
t, = 069 c{ZRJ}: 06922 g (11.7)

i=1

whenall ;= Cand R, = R.
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Figure 11-10 Stick diagram of two bits of a Manchester carry chain.
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Figure i1-11 Equivalent network to determine propagation delay of a carry chain.

Example 11.2  Sizing of Manchester Carry Chain

The capacitance per node on the carry chain equals four diffusion capacitances, one
inverter input capacitance, and the wiring capacitance propostional te the size of the cell.
The inverter and the PMOS precharging transistor can be kept at unit size. Together with
the wire capacitance, the fixed capacitance can be estimated as 15 fF {for our technology).
If a unit-sized transistor with width W, has a resistance of 10 kQ and 2 diffusion capaci-
tance of 2 fF, then the RC time constant for a chain of transistors of width Wis

RC = {6 fF- 15 fF - 10 kQ ¥y
‘[ if;f‘“f ) W

Increasing the transistor width reduces this time constant, but it also loads the gates in the
previous stage. Therefore, the transistor size is limited by the input loading capacitance.

Unfortunately, the distributed RC-nature of the carry chain resulis in a propagation delay
that is quadratic in the number of bits N. To avoid this, it is necessary to insert signal-buffering
inverters. The optimum number of stages per buffer depends on the equivalent resistance of the
inverter and the resistance and capacitance of the pass transistors, as was discussed in Chapter 9.
In cur technelogy, and in most other practical cases, this number is between 3 and 4. Adding the
inverter makes the overall propagation delay a linear function of N, as is the case with ripple-
carry adders.
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11.3.3 The Binary Adder: Logic Design Considerations

The ripple-carry adder is only practical for the implementation of additions with a relatively
smaall word length. Most desktop computers use word lengihs of 32 bits, while servers require 64;
very fast computers, such as mainframes, supercomputers, or multimedia processors {(e.g., the
Sony PlayStation2) [Suzucki99l, require word lengths of up to 128 bits. The linear dependence of
the adder speed on the number of bits makes the asage of ripple adders rather impractical. Logic
optimizations are therefore necessary, resulting in adders with £, < O(¥}). We briefly discuss a
atimber of those in the sections that follow. We concentrate on the circuit design implications,
since most of the presented structures ave well known from the traditional logic design literature.

The Carry-Bypass Adder
Consider the four-bit adder block of Figure 11-12a. Suppose that the values of A, and B, (k =
0...3) are such that all propagate signals 7 {k = 0...3) are high. An incoming carry C;p= 1 prop-
agates under those conditions through the complete adder chain and causes an cutgoing carry
C, 3= 1. In other words,
if (PoP 1 PyPy=1}thenC,; = Ciy
else either DELETE or GENERATE occurred

{11.8)

This infonmation can be used to speed up the operation of the adder, as shown in Figure 11-12b.
When BP = PP, P,P;= 1, the incoming carry is forwarded immediately to the next block
through the bypass transistor 8/, —hence the name cairy-bypass adder or carry-skip adder
{Lehman6?Z]. If this is not the case, the carry is obtained by way of the normal route.

Pn Gy 7 G Py Gy Py Gy
v ¥ Y ¥ Y ¥
Cr}\ﬂ szgi CU.Z Cv,.‘:
Cip—>» FA > FA > FA > FA s
{a} Carry propagation
P(B GD P] Gl Pz Gz PB GS BP = P.P.B.P
A A
) i 2
i FA e FA e FA \

H
(5]

Multiplexer

\

(b} Adding a bypass
Figure 11-12 Canry-hypass structure—basic concept.
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Example 1L.3 Carry Bypass in Manchester Carry-Chain Adder

Figure 11-13 shows the possible carry-propagation paths when the full-adder circuit is
implemented in Manchester-carry style. This picture demonstrates how the bypass speeds
up the addition: The carry propagates either through the bypass path, or a carry is gener-
ated somewhere in the chain. In both cases, the delay is smaller than the normal ripple
configuration. The area overhead incurred by adding the bypass path is small and typicaily
ranges between 10 and 20%. However, adding the bypass path breaks the regular bit-slice
stracture (as was present in Figure 11-14).

Py BP
T e .
C;,of |GT L + | . [ " oL Do_‘ o2

T

BP
Figure 11-13 Manchester carry-chain implementation of bypass adder.

Let us now compute the delay of an &-bit adder. At frst, we assume that the total adder
is divided in (WM} equal-length bypass stages, each of which contains M bits. An approxi-
mating expression for the total propagation time can be derived from Figure 11-14a and is
given in Bqg. (11.9). Namely,

N
fp = fsemp + Mtearr}' + (H - }')fb_vpaxs + LM -1 }rcarr_v F o (l 19:}
Bit0-3 Bit 47 Bit 8-11 Bit 12-135
1 FYPass T

l bd ? Z

Carry | Carry Carry .| Carry
! propagation propagation propagation |— propagation
/

Sum Sum Sum - l Sum
# bits

Figure t1-14 (N =16) carry-bypass adder: compesition. The worst case delay path
is shaded in gray.
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with the composing parameters defined as follows:

* Lipny- the fixed overhead time to create the generate and propagate signals.

® toany: the propagation delay through a single bit. The worst case carry-propagation delay
through a single stage of Af bits is approximately M times larger.

* Yyymasss the propagation delay through the bypass multiplexer of a single stage.

* ¢ .. the lime to generate the sum of the final stage.

The critical path is shaded in gray on the block diagram of Figure 11-14. From Eq. {11.9), it fol-
lows that 1, is still linear in the number of bits N, since in the worst case, the carry is generated at
the first bit position, ripples through the first block, skips around (NAM — 2) bypass stages, and is
consumed at the last bit position without generating an output carry. The optimal number of bits
per skip block is determined by technological parameters such as the exira delay of the bypass-
selecting multiplexer, the buffering requirements in the carry chain, and the ratio of the delay
throngh the ripple and the bypass paths.

Altbough still linear, the slope of the delay function increases in a more gradual fashion
than for the ripple-carry adder, as pictured in Figure 11-15. This difference is substantial for
farger adders. Notice that the ripple adder is actually faster for small values of N, for which the
overhead of the extra bypass multiplexer makes the bypass structure not interesting. The cross-
over point depends upon technology considerations and is normally sitaated between four and
eight bits.

Preblem 11.1 Delay of Carry-Skip Adder

Determine an input pattern that triggers the worst case delay in a 16-bit (4 X 4) carry-bypass adder. Assam-

ing that £, = L = gy = I, = 1, determine the delay and compare it with that of 4 normal ripple
addes,
t e
//
" Ripple adder
e
P
”

Bypass adder

N

4.8

Figure 11-15 Propagation delay of ripple-carry versus carry-bypass adder.
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The Linear Carry-Select Adder

In a ripple-carry adder, every full-adder cell has to wait for the incomiag carry before an outgo-
ing carry can be generated. One way to get around this linear dependency is to anticipate both
possible values of the carry input and evaluate the result for both possibilities in advance. Once
the real value of the incoming carry is known, the correct result is easily selected with a simple
muitiplexer stage. An implementation of this idea, appropriately called the carry-select adder
[Bedrij62], is demonstrated in Figure 11-16. Consider the block of adders, which is adding bits
to k + 3. Instead of waiting on the arrival of the output carry of bit & — 1, both the 0 and 1 possi-
bilities are analvzed. From a circuit point of view, this means that two carry paths are imple-
mented. When C, _; finally settles, either the result of the 0 or the 1 path is selected by the
multiplexer, which can be performed with a minimal delay. As is evident from Figure 11-16, the
hardware overhead of the carry-select adder is restricted to an additional carry path and a multi-
plexer, and equals about 30% with respect to a ripple-carry structure,

A fuil carry-select adder is now constructed by chaining a number of equal-lengih adder
stages, as in the carry-bypass approach (see Figure 11-17). The critical path is shaded in gray.
From inspection of the circuit, we can derive a first-order model cf the worst case propagation
delay of the module, written as

N
Lodad = t.s'emp + Mtcarry + (g'zf){nwx + Eun (1L.10)

Where £, foyny 806 £, are fixed delays and ¥ and M represent the total number of bits, and the
number of bits per stage, respectively. I, 18 the delay of the carry through a single full-adder
cell. The carry delay through a single block is proportional to the leagth of that stage or equals
My

The propagation delay of the adder is, again, linearly proportional to & (Eq. (11.10)). The
reason for this linear behavior is that the block-select signal that selects between the ( and |

solutions stiil kas to ripple through all stages in the worst case.

Setup

[l epe JL

HES S 0 —Carry propagation

JL ||

1 1—Carry propagation
Copemt =L JL 7 Cosss
| Muttiplexer

,é L, Carry vector
| Sum Generation

Figure 11-16 Four-hit carmry-setect moduie—iopology.
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Figure 11-17 Sixteen-bit, linear carry-select adder. The critical path is shaded in gray.

Problem 11.2 Lirear Carry-Select Delay

Detenmine the delay of a 16-bit linear carry-select adder by using ukit delays for all cells. Compare the
result with that of Problen: 11.1. Compare various block configurations as well.

The Square-Rooi Carry-Select Adder

The next structure illustrates how an alert designer can make a major impact. To optimize a
design, it is essential {o locate the critical timing path first. Consider the case of a 16-bit linear
carry-select adder. To simplify the discussion, assume that the full-adder and multiplexer cells
have identical propagation delays equal to a normalized value of 1. The worst case arrival times
of the signals at the different network nodes with respect fo the time the input is applied are
marked and annotated on Figure 11-18a. This analysis demonstrates that the critical path of the
adder ripples through the multiplexer networks of the subsequent stages.

One striking opportunity is readily apparent. Consider the multiplexer gate in the last
adder stage. The inputs to this multiplexer are the two carry chains of the block and the block-
multiplexer signal from the previous stage. A major mismatch between the arrival times of the
signals can be observed. The results of the carry chains are stable long before the maltiplexer
signal arrives. It makes sense to equalize the delay through both paths. This can be achieved by
progressively adding more bits to the subsequent stages in the adder, requiring more time for the
generation of the carry signals. For example, the first stage can add 2 bits, the second contains 3,
the third has 4, and so forth, as demonstrated in Figure 11-18b. The annotated arrival times show
that this adder topology is faster than the linear organization, even though an extra siage is
needed. In fact, the same propagation delay is also valid for a 20-bit adder. Observe that the dis-
crepancy m arrival times at the multiplexer nodes has been eliminated.

In effect, the simple trick of making the adder stages progressively longer results in an
adder structure with sublinear delay characteristics. This is illustrated by the following analysis:
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Figure 11-18 Worst case signal arrival times in carry-select adders. The signal arrival
times are marked in parentheses.

Assume that an N-bit adder contains P stages, and the first stage adds M bits. An additional bit is
added to each subsequent stage. The following relation then hoids:

M+ M+ DN+ (M+2)+ M+ + . +{M+FP-1)

MP+P{P2 Do 2+P(M——)

:\"r

(1111

If M << Neg., M =2, and N = 64), the first term dominates, and Eq. (11.11) can be
simplified to

z
N:% (11.12)
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Figure 11-19 Propagation delay of square-root carry-select adder versus linear
ripple and select adders. The unit delay model is used to model the cell delays.
or
P=_ 2N {11.133

Equation (11.13} can be used to express 7, as a function of N by rewriting Eq. (11.10x

Lo = !se:;:p + ‘M'{carr_v + {“«‘ EN}IMH.E F e G L. 14)

The delay is proporiional to /N for large adders (W >> M), or £, = O(J/N). This square-root
relation has a major impact, which is illustrated in Figure 11-19, where the delays of both the
linear and square-root select adders are plotted as 2 function of N. It can be observed that for
large values of &, ¢, becomes almost a constant.

Problem 11.3 Unequal Bypass Groups in Carry-Bypass Adder

A careful reader might be interested in applying the previous technique te carry-bypass adders. We saw ear-
Her that their delay is a linsar function of a number of bits. Can they be modified to achieve better than lin-
ear delay by using variable group sizes?

1t daes make sense to make the consecutive groups gradually larger. However, the technique used in
carry-select adders does not directly apply to this case, and a progressive increase in stage sizes eventually
increases the delay. Consider a ecarry-bypass adder in which the last stage is the largest: The carry signal
that propagates through that stage and gets consumed at the smisd position {with no chance of bypassing ir) is
on the critical path for the sum generation. Increasing the size of the last group dees not help the problem.

Based on this discussion and assuming constant delays for carry and bypass gates, skeich the profile
of the carsry bypass network that achieves a delay that is better than linear.

420
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The Carry-Lookahead Adder®

The Monolithic Lookahead Adder When designing even faster adders, it is essential fo get
around the rippling effect of the carry that s still present in one form or another in both the
carry-bypass and carry-select adders. The carry-lookahead principle offers a possible way to do
so [Weinberger56, MacSorley61]. As stated before, the following refation holds for each bit
position in an N-bit adder:

Cor = FlALBLC, . ) =G+ P, {11.1%)
The dependency between C, , and C, ,_; can be eliminated by expanding C,; i
Coy = G+ PG+ Py Cy g 2) (11.16}
In a fully expanded form,
Coi = Gp+ PGy + P (. + P{Gy+ PyCp ))) (11.17)

with C; , typically equal to 0,

This expanded relationship can be used to implement an V-bit adder. For every bit, the
carry and sum outputs are independent of the previous bits, The ripple effect has thus been effec-
tively eliminated, and the addition time should be independent of the number of bits. A block
diagram of the overall composition of a carty-lookahead adder is shown in Figure 11-20.

Such a high-level mode! contains some hidden dependencies. When we study the detailed
schematics of the adder, it becomes obvious that the constant addition time is wishful thinking
ard that the real delay is at least increasing linearly with the number of bits. This is illustrated in
Figure 11-21, where a possible circuit implementation of Eq. (11.17) is shown for & = 4. Note
that the circuit exploits the self-duality and the recursivity of the camy-lockahead equation to
build a mirror structure, similar in style to the single-bit full adder of Figure 11-6.% The large
fan-in of the circuit makes it prohibitively slow for larger values of N. Implementing it with sim-
pler gates requires multiple logic levels. In both cases, the propagation delay increases, Further-

Ap By -%331 A1 By
] L

Figure 11-20 Conceptual diagram of a carry-lookahead adder.

4 Similar to the mirtor adder, this circuit reguizes that the Propagate signal be defined ss P= A + B.
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11.3 The Adder 579

Figure 11-21 Schematic diagram of mirror implementation
of four-bit icokahead adder {from [Weste85]).

mare, the fan-out on some of the signals tends to grow excessively, slowing down the adder even
more. For instance, the signals &, and P appear in the expression for every one of the subse-
quent bits. Hence, the capacitance on these lines is substantial. Finally, the area of the imple-
mentation grows progressively with N. Therefore, the lookahead structure suggested by Eq.
{11.16} is only useful for small valuzes of N {< 4}

The Logarithmic Lookahead Adder—Concept For a carry-lookahead group of N bits, the
transistor implementation has & + 1 parallel branches with up to N + ! transistors in the stack.
Since wide gates and large stacks display poor performanee, the carry-lookahead computation has
10 be limited to up to two or four bits in practice. In order to build very fast adders, it is necessary
to organize carry propagation and generation into recursive irees. A more effective implementa-
tion is obtained by hierarchically decomposing the carry propagation into subgroups of N bits:

Coo = Got Pyl
Cot = G+ P1Gy+ PLPyC = (G + PG + (P Pg)C 5 = Grg+ Pl
Co2 = Ga+ PGy + Pl \Go+ PP PoC g = Gy + PoC, | {11.18)
Cos = Ga+ P3G, + PiP,G, + P3P, PGy + PyPP . PyC
= (G3-§P3G2}-§-(P3P2}Cﬂll = Gy + P00,

422



580 Chapter 11 = Designing Arithmetic Building Blocks

In Eg. {11.18}, the carry-propagation process is decomposed into subgroups of two bits.
G,,; and P;, denote the generate and propagate functions, respectively, for a group of bits (from
bit positions / to f). Therefore, we call them block generate and propagate signals. G equals 1
the group generates a carry, independent of the incoming carry. The block propagate P is true if
an incoming carry propagates through the complete group. This condition is equivalent to the
carry bypass, discussed earlier. For example, G;., is equal to 1 when a carry either is generated at
bit position 3 or is generated at position 2 and propagated through position 3, or Gya = Gy +
P3G, Pais true when an incoming carry propagates through both bit positions, of Py ;= P3P

Note that the format of the new expression for the carry is equivalent to the original one,
except that the generate and propagate signals are replaced with block generate and propagate
signals. The notation G, and P;; generalizes the original carry equations, since G;= G;and P; =
P... Another generalization is possible by treating the generate and propagate functions as a pair
(G0 Py, rather than considering them as separate functions. A new Boolean operator, cakied
the der operator (), can be introduced. This operator on the pairs and allows for the combination
and manipulation of blocks of bits:

(G, P)- (G, P = (G+ PG, PP} (1L19)

Using this operator we can now decompose (Gy., Pa.0) = (G, P3) - (Gy, Py). The dot operator
oheys the associative property, but if is niot commutative,

Example 11.4 Ripple-Carry Adder Expressed by Using the Dot Operator
With the dot operator, a four-bit ripple carry adder can be re-written as
(Cg,gs 0) = E(G?,: Pg)‘ ':sz Pz) - {Gls P;} ' {Ggp P{}}] ' (Cgas 0)

The associative property allows us to rewrite this function and express C, , as a function of
2 group carries:

(83:(:» Pa:u) = {(G3, P3) : (G2> Pz)] : {{Glo P;}‘ (Go’ PG)]
= (Ga: Pialt- (Grap i)

By exploiting the associalive property of the dot operator, a tree can be constructed that effec-
tively computes the carries at all 21 positions (that is, [, 3, 7, 15, etc.) for i = 1...log,{NV). The
crucial advantage is that the computation of the carry at position 2° — | takes only log,(N) steps.
In other words, the output carry of an N-bit adder can be computed in logy{¥) time. This is a
major improvement over the previously described adders. For example, for an adder of 64 bits,
the propagation delay of a linear adder is proportional to 64. For a square-root select adder, it is
reduced to 8, while, for a fogarithmic adder, the proportionality constant is 6. This is illustrated
in Figure 11-22, which shows the block diagram of a 16-bit logarithmic adder. The carry at posi-
tion 15 is computed by combining the results of blocks (0:7) and (8:15). Each of these, in turn, is
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Figure 11-22: Schematic diagram for Kogge—Stone 156-bit lcokahead logarithmic adder.

composed hierarchically. For instance, ((:7) is the composition of {0:3) and (4:7), while (0:3}
consists of {0:1) and (2:3), etc.

Computing the carries at just the 2 — | positions is obviously not sufficient. It is necessary
to derive the carry signals at the intermediate positions as well. One way to accomplish this is by
replicating the tree at every bit position, as illustrated in Figure 11-22 for N = 6. For instance,
the carry at positicn 6 is computed by combining the results of blocks (6:3) and (2:0). This com-
plete structure, which frequently is referred to as a Kogge—Stone tree [Kogge73], is a member of
the radixv-2 class of trees. Radix-2 means that the tree 1s binary: It combines two carry words at a
iime at each level of hierarchy. The total adder requires 49 complex logic gates each to imple-
ment the dot operator. In addition, 16 logic modules are needed for the generation of the propa-
gate and generate signals at the first level (P, and G, ), as well as 16 sumn-generation gates.

The combination of carry-lockahead (CLA} techniques and dynamic logic seems to be ideal when very
high performance is the ultimate goal. It is therefore useful to walk through the complete design of a
dynamic CLA.

The first module generates the propagate and generale signal, as shown in Figure 11-23, The addi-
tion of a separate inverler to drive the keeper represents a small twist. This approach is beneficial in gates
that drive a sizable fan-out. By decoupling its driver from the fan-cut it allows for a quick disengagement of
the keeper after the iransition starts. The inverter that is driving successive logic gates, on the other hand, is
optimized to drive a fan-out of two (for G outputs) or three (for 7 outputs) NMOS pull-down networks.

Each of the biack dots in Figure 11-22 represents two gates that compute the block-level propagate
and generate signals, as shown in Figure 11-24. Since these gates are not located at the beginning of the
pipeline, the evaiuation transistor (2iso cailed the faor swirch) is optional, as discussed in Chapter 6. This
approach is comemonly used in dynamic datapaths. During the precharge phase, ail the outputs of the dom-
ino gates are guaranteed (o be low, furning off any discharge path in the succeeding domino stages. Elimi-
nation of the foot switch in any stage other than the first lowers the logical effort of the gates and speeds up

424
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Voo

Voo

Figure 11-23 Dynamic Implementation of propagade and generate signals.

the evaluation, Por example, the propagate gate in Figure 11-24 has a Jogical effort of two-thirds instead of
unity {assuming that the inverter is symmetrical). However, there is 2 drawback to this method. During the
precharge phase, a short-circuit cament exists in all gates without a foot switch until their inputs get pre-
charged. To avoid the short-cireuit current, the clock at each stage Cik, is delayed from the previous stage.
This approach is called clock-delayed domino as was introduced in Chapter 10. Note that the clock is
detayed by the same amount for ali bit-slices per stage, thus simplif¥ing the implementation.

By putting together seven stages of logic in a bit-sliced fashion—P-C generation, followed by six dot
operators—a 64-bit adder can be constructed. The only logic stage that is missing to complete the dynamic
adder design is the final sum geseration. The sum generation requires an XOR function, which is not easily
built in domino logic. Static XOR gates could be used, but these produce nonmonotonic ransitions and thus
cannot be used to drive other domino gates. This might not be a probfem per s, since the sum generation typ-
ically is the final stage of the addition operation. However, the latch that tollows the sum generation cannot
be transparent, because this could cause a violation of the transition rule for the succeeding domino gates.

One way of implementing the sum in domine logic is through sum sefection, in which both care for
the sum are computed as 5v = 7, ® b, and §) = «,® b, . The dynamic gate of Figure 11-25 is then used to
select one of these possibilities, based on the incoming catry.

Von VDD_
i i
Clic, o—4q j s Clie o [:‘ G.
E pi-2k+1 | >c J:;—ifc-z-é
" * §>° © | ' N
p oL
s i Fi=ke}
[
Figa-arrt

i

{a}

Figure 11-24 Implementation of the dot operator in dynamic logic: (&) propagate
and (b} generate logic at stage k and bit position i {see Figure 11-22).
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Figure 11-25 Sum select in dynamic logic.

The implementation of the multiplexer zate requires three logic levels, because no complementary
carry is available in domine logic. As usual, keepers should be placed at all dynamic nodes, but the one
shown in the figure is absolutely critical. The first two dynamic stages {on top} violate the dynamic logic
design rules: two dynamie gates are eascaded without introducing an inverter. A glitch might happen at the
output of the second gate if both gates are evaluated with the same clock. Delaying the clock of the second
gate (Clkd) helps to address this issue, although the delayed clock presents a hard-riming edge—all the
inputs to the second gate must have fAnished their transition before the clock raises.

It should be emphasized that when a designer chooses to use these design techniques, circuit robust-
ness cannot be compromised. All clocks are subject to random skew, and the defayed clock must have
enough margin to absorb the worst case skew. If Clkd arrives early, the adder will malfunction. However,
proper sizing of the keeper may add a kind of safety net io the design. It can suppress the glitch at the out-
put of the second stage, in case the clock arrives early. The keeper must be sized large enough to minimize
this plitch, but not so large that it would compromise performance.

Another option is to implement the adder in differential domine logic, whare both signal polarities
arc available, and the inversion problem is avoided. However, the overall design would be quite power
hungry. B

Problem 114 Static Adder Tree Design

Design a 18-bit carry-lookahead adder tree in static complementary CMOS. Design the lookahead tree by
asing inveried logic gates, avoiding the addition of inverters. Highlight the critical path of this adder. What
are the logical efforts of gates along the critical path? How would you size it for minimal delay?
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584 Chapter 11 = Designing Arithmetic Building Blocks

Logarithmic Lookahead Adder—Alternatives Designers of fast adders sometimes revert io
other styles of tree structures as they trade off for area, power, or performance. We briefly discuss
the Brent-Kung adder and the radix-4 adder, two of the more common aliernative structures.

The Kogge-Stone tree of Figure 11-22 has some interesting properties. First, its intercon-
nect structure is regular, which makes implementation quite easy. Furthermore, the fan-ocut
throughout the tree is fairly constant, especially on the critical paths. The task of sizing the tran-
sistors for optimal performance is therefore simplified. At the same time, however, the replica-
tion of the carry trees to generate the intermediate carries comes at a large cost in terms of both
area and power. Designers sometimes trade off some delay for area and power by choosing less
complex trees. A simpler tree structure compuies only the carries to the powers-of-two bit posi-
tions [Brent82], as iliustrated in Figare 11-26 for ¥ = 16.

The forward binary tree realizes the carry signals only at positions 2%~ I:

{(Coo: 0) = (G, Py} - (G n H ]

(C, 1:0) = (G, P13 (G )l (€0, 0) = G100 Pyp) - {Ci 00 D)

{Co30) = UGy P32} (G Prodl - (Cy 0 03 = (G Py} (€0, 0) (11.20
(Co2: 8) = [(Gqiss P2g)  (Gagy Pyo}] - (Ci 0 O) = (G Prgd - (€, 0)

The forward binary-tree structure is not sufficient to generate the complete set of carry
bits. An inverse binary tree is needed to realize the other carry bits {shown in gray lines in
Figure 11-26). This structure combines intermediate resuits to produce the remaining carry bits.
It is left for the reader to verify that this structure produces the correct expressions for all carry

f=3 — [x] o= -+ s
B3 S S S S~ S S-S S-S S N S
¢ ¢ <& < & ? Lo ¢
E
|
//
Pape T
// // // // 3
b o o o g o D o O o G o O
=T 2R D E R PR ®E P T2 RO OEE
S U N S R A A S e S
=3 — ] e b3 i =] = T =y - - + - r -
= 8 X X | NI =& < =2 3 = = = s = o
Figure 11-26 A 16-bit Brent-Kung tree. The reverse binary tree is colored gray.
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Figure 11-27 Radix-4 Kogge—Stone tree for 16-bit operands.

bits. The resulting structure, commonly called the Brent—Kung adder, uses 27 dot gates, or
almost half of the 49 needed for a full radix-2 tree, and it needs fewer wires as well, The wiring
strzcture is less regular, however, and fan-out varies from gate to gate, making performance opti-
mization more difficult. Especiatly the fan-out of the middle node (G, ;), which equals one sum
and five dot operations for this example, is of major concern. This observation makes the Brent—
Kaung adder rather unsuited for very large adders (> 32 bits).

An eption to reduce the depth of the tree is to combine four signals at a time at each lavel
of the hierarchy. The resulting tree is now of class radix-4, because it uses building blocks of
order 4 as shown m Figure 11-27. A 16-bit addition needs onky two stages of carry logic. Be
aware that each gate is more complex and that having less logic stages may not always result in
faster operation {as we saw in Chapter 3}.

Problem 11.5 Radix-4 Dot Operator in Dyzamic Logic

Design the radix-4 dot operators in dynaméc logic. Use the radix-2 circuits as reference. How is the sum
select implemented for radix-4? Using the method of logical effort, compare the delays of radix-2 and
radix-4 designs for 16-bit adders. Which one is faster?

On average, 2 lookahead adder is several times larger than a ripple adder, but has dramatic
speed advantages for larger operands. The logarithimic behavior makes it preferable over bypass
or select adders for larger values of N. The exact value of the cross point depends heavily on
technology and circuit design factors.

The discussion of adders is by no means complete. Due to its impact on the performance
of computational structures, the design of fast adder circuits has been the subject of many publi-
cations. It is even possible to construct adder structures with a propagation delay that is indepen-
dent of the number of bits. Examples of those are the carrv-save structures and the redundant
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binary arithmetic strectures {Swartzlander90]. These adders require number-encoding and -
decoding steps, whose delay is a function of N. Therefore, they are only interesting when
embedded in Iarger structures such as multipliers or high-speed signal processors.

11.4 The NMultiplier

Muitiplications are expensive and slow operations. The performance of many computational
probiems often is dominated by the speed at which a maultiplication operation can be executed.
This observation has, for instance, prompted the integration of complete multiplication units in
state-of-the-art digital signal processors and microprocessors.

Multipliers are, in effect, complex adder arrays. Therefore, the majority of the topics dis-
cussed in the preceding section are of value in this context as well. The analysis of the multiplier
gives us some further insight into how to optimize the performance (or the area) of complex cir-
cuit topologies. After a short discussion of the multiply cperation, we discuss the basic array
multiplier. We also discuss different approaches to partial product generation, accumulation and
their final summation.

11.4.1 The Multiplier: Definitions

Consider two unsigned binary numbers X and Y that are # and N bits wide, respectively. To
introduce the multiplication operation, it is useful to express X and ¥ in the binary representation

M=

A1
= i — i
Xx=3yx2 ¥Y=3vp (11.21)
i=0 i=0

with X, Y‘; e {0, 1}. The muliiplication operation is then defined as follows:

MaeN-1
Xxy= 3y 22
k=10

(gxz](é YJ,Q*"} = Mz_z(hgx,.}{,.z““)

=g Nj=0

z

!

(11.22)

The simplest way to perform a multiplication is to use a single two-input adder. For inputs
that are M and N bits wide, the multiplication takes A{ cycles, using an N-bit adder. This shiff-
and-add algorithm for muliiplication adds together 3 partial products. Each partial product is
generated by multiplying the multiplicand with a bit of the multipiier—which, essentially, is an
AND operation—and by shifting the result on the basis of the multiplier bit’s position.

A faster way to implement multiplication is to resort to an approach similar to manually
computing a multiplication. All the partial products are geperated at the same time and orge-
nized in an array. A multioperand addition is applied to compute the final product. The approach
is illustrated in Figure 11-28. This set of operations can be mapped directly into hardware. The
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Figure 11-28 RBinary multiplication—an example.

resulting structure is called an array mudtiplier and combines the following three functions:
partial-product generation, partial-product accwnalation, and final addition.

Problem 11.6 Maultiplication by a2 Constant

it is often necessary to implement multiplication of an operand by a constant. Deseribe how you would pro-
ceed with this task.

11.4.2 Partial-Product Generation

Partial products result from the logical AND of multiplicand X with a multiplier bit ¥, (see
Figure 11-29), Each row in the partial-product array Iz either a copy of the multiplicand or 4
row of zeroes. Careful eptimization of the partial-product generation can lead to some substan-
tial delay and area reductions. Note that in most cases the partial-product array has many zero
rows that have no impact on the result and thus represent a waste of effort when added. In the
case of 2 multiplier consisting of all ones, all the partial products exist, while in the cage of all
zeros, there is none. This observation aflows us to reduce the number of generated partial prod-
ucts by half.

Assume, for example, an eight-bit maltiplier of the form 011111106, which produces six
nonzero partial-product rows. One can substantially reduce the number of nonzero rows by
recoding this number (27 + 2%+ 2° + 2* + 2% 42% into 2 different format, The reader can verify
that the form 10000010, with I a shorthand notation for —1, represents the same number. Using

X X X
P, PPy

P, PPy PP PP, PP, PP, PP,

Ay

s

=

X4 Xs

Figure 11-29 Partial-product generation iogic.
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this format, we have to add only ewo partial products, but the final adder has to be able to per-
form subtraction as well. This type of transformation is called Booth’s recoding [Booth31], and
it reduces the number of partial products to, at most, one half. It ensures that for every two con-
secutive bits, at most one bit will be { or —1. Reducing the number of partial products is equiva-
lent to reducing the number of additions, which leads to a speedup as well as an area reduction.
Formally, this transformation is equivalent to formatting the multiplier word into a base-4
scheme, instead of the usual binary format:

{N-1)2
y= 3 v with(¥;e (-2-1,6,1,2)) (11.23)

i=0

Note that 1010...10 represents the worst case multiplier input because it generates the most par-
tial products {(one half}. While the multiplication with {0, 1} is equivalent to an AND operation,
multiplying with {-2, -1, 0, 1, 2} requires a combination of inversion and shift logic. The encod-
ing can be performed on the fiy and requires some simple logic gates.

Having a variable-size partial-product array is not practical for multiplier design, and a
modified Booth’s recoding is most often used instead [MacSerley6ii. The multiplier is parti-
tioned into three-bit groups that overlap by one bit. Each group of three is recoded, as shown in
‘Table 11-2, and forms one partial product. The resulting number of partial products equals half
of the multiplier width. The input bits to the recoding process are the two current bits, combined
with the upper bit from the next group, moving from msb to Ish.

Table 11-2  Modified Booth's recading.

Partial Product Selection Table

Multipiier Bits Recoded Bits

00¢ G

001 -+ Multiplicand
Mo + Multiplicand
(1 + 2% Muliiplicand
100 — 2 % Muliiplicand
101 — Multiplicand
110 — Multiplicand

it ¢
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In simple terms, the modified Booth’s recoding essentiatly examines the multiplier for strings of
ones from msh o Isb and replaces them with a leading I, and a — | at the end of the string. For
exampie, 011 is understood as the beginning of a string of ones and is therefore replaced by a
leading | {or 100}, while 110 is seen as the end of a string and is replaced by a — 1 at the least
significant position (or 010).

Example 11.5 Modified Booth’s Recoding

Consider the eight-bit binary number 01111110 shown earlier. This can be divided into
four overlapping groups of three bits, going from msb to fsh: 00 (13, 11 (1), 11 (13, 10 (0).
Recoding by using Table 11-2 yields: 10 (2 %), 00 {0 x), 00 (0 x), 10 {~=2 ), or, in com-
bined format, 1000000T0. This is equivalent to the result we obtained before.

Problem 11.7 Beoth’s Recoder

Design the combinational logic that implements a modified Booth’s recoding for a parallel muitiphier, using
Table 11-2. Compare its implementation in complementary and pass-transisior CMOS.

11.4.3 Partial-Product Accumulation

After the partial produéls are generated, they must be summed. This accumulation is essentially
a multioperand addition. A straightforward way to accumulate partial products is by using a
number of adders that will form an array—hence, the name, array multiplier. A more sophisti-
cated procedure performs the addition in a tree format.

The Array Multiplier

The composition of an amray multiplier is shown in Figure 11-30. There is a one-to-one topolog-
tcal comrespondence between this hardware structure and the manual multiplication shown in
Figure 11-28. The generation of N partial products requires N % 3/ two-bit AND gates {in the
style of Figure 11-29).% Most of the area of the multiplier is devoted to the adding of the N par-
tial products, which requires N — 1 A-bit adders. The shifting of the partial products for their
proper alignment is performed by simple routing and dees not require any logie. The overall
structure can easily be compacted into a rectangle, resulting in a very efficient layout.

Due to the array organization, determining the propagation delay of this circuit is not
straightforward. Consider the implementation of Figure 11-30. The partial sum adders are
implemented as ripple-carry structures. Performance optimization requires that the critical {im-
ing path be identified first. This turns out to be nontrivial. In fact, a large number of paths of
almost identical length can be identified. Two of those are highlighted in Figure 11-31. A closer

5This particular implementation does not erploy Booth's recoding, Adding recoding does not substamially chunge the
implementation. The number of adders is reduced by half, and the partiai-product generation is slightly more complex.
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Figure 11-30 A 4 x 4 bit-array muitiplier for unsigned numbers—composition. HA stands for a
half adder, or an adder cell with only two inpuls. The hardware for the generation and addition of
one partial product is shaded in gray.

lovk at those critical paths yields an approximate expression for the propagation delay (derived
here for critical path 2). We write this as

vt = [(ﬁ.f{m 1) + i‘M - 2}}zcﬂrry+ {N - i}fsmn tlgnd (1 124}

where 7, is the propagation delay between input and output carry, £, 1 the delay between the
input carry and sum bit of the foll adder, and ¢, , is the delay of the AND gate.

Since all critical paths have the same length, speeding up just one of them—for instance,
by replacing one adder by a faster one such as a carvy-select adder—does not make much sense
from a design standpoint. All critical paths have to be attacked at the same time. From Eg.

(11.24), it can be deduced that the minimization of ¢, requires the minimization of both 7.,

LA 5 S 2 T

HA be—] FA fo—  FA f<--1HA] "7 77° Criticai Path 1
7 3 s Critical Path 2
2 A Y v ¥
FA |<—| FA [«— FA [<--1HA

2 I T S
FA j<--| FA [<--| FA [<-- HA

Figure 11-31 Ripple-carry based 4 x 4 multiplier {simplified diagram}. Two of the
possible critical paths are highlighted.
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and 7, In this case, it could be beneficial for ¢, to equal 7. This contrasts with the require-
ments for adder cells discussed before, where a minimal 7, was of prime importance. An

CATry
exampie of a full-adder circuit with comparable 7, and 7. delays was shown in Figure 11-7,

i) [«iany

Problem 11.8 Signed-Binary Multiplier

The multiplier presented tn Figure 11-30 only handles unsigned numbers. Adjust the structure se that
two's-complement sumbers are also accepled.

Carry-Save Multiplier

Due to the large number of alimost identical critical paths, increasing the performance of the
strocture of Figure 11-31 through transistor sizing yields marginal benefits. A more efficient
realization can be obtained by noticing that the multiplication result does not change when the
output carry bits are passed diagonally downwards instead of only to the right, as shown in
Figure 11-32. We include an extra adder called a vector-merging adder to generate the final
result. The resulting multiplier is called a carry-save multiplier [Wallace64], because the carry
bits are not immediately added, but rather are “saved” for the next adder stage. In the final stage,
carries and sums are merged in a fast carry-propagate {e.g., carry-lockahead) adder stage. While
this structure has a slightly increased area cost {one extra adder), it has the advantage that its
worst ¢ase critical path is shorter and uniquely defined, as highlighted in Figure 11-32 and is
expressed as

{mulr = 3‘{,m:.’

+{N -1} +1 {11.25)

carry merge

still assuming that £, = £,

Vecior-merging adder

Figure 11-32 A 4 x 4 carry-save muftiplier. The critical path is
highlighted In gray.
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Example 11.6 Carry-Save Multiplier

When mapping the carry-save multiplier of Figure 11-32 onte silicon, one has to take into
account some other topological considerations. To ease the integration of the multiplier
into the rest of the chip, it is advisable to make the outline of the module approximately
rectangular. A floor plan for the carry-save multiplier that achieves this goal is shown in
Figure 11-33. Observe the regularity of the topelogy. This makes the generation of the
structure amenable o automation.

X3 X2 Xi 1‘([}

I { £
) e Za, i; HA multiplier ceil

%1 FA multiplier celt

Vector-merging cell

X and ¥ signals are
broadcast through the
complete array. (-}

Figure 11-33 Rectanguiar flcorplan of carry-save multiplier, Different celis
are differentiated by shades of gray. X and Y signals are AND’ed before being
added. The leftmost column of cells is redundant and can be efiminated.

The Tree Muliiplier

The partial-sum adders can also be rearranged in a treelike fashion, reducing both the critical
path and the number of adder cells needed. Consider the simple example of four partial products
each of which is four bits wide, as shown in Figure 11-34a. The number of full adders needed
for this operation can be reduced by observing that only coiumn 3 in the array has to add four
bits. All other columns are somewhat less complex. This is Hllustrated in Figure 11-34b, where
the original matrix of partial products is reorganized into a tree shape to visvally illustrate its
varying depth. The challenge is to realize the complete matrix with 2 minimum depth and 2 min-
imum number of adder elements. The first type of operator that can be used to cover the array is
a full adder, which takes three inputs and produces two outputs: the sum, located in the same
columnn and the carry, located in the next one. For this reason, the FA is called a 3-2Z compressor.
It is denoted by a circle covering three bits. The other operator is the half-adder, which
takes two input bits in a colemn and produces two outputs. The HA is denoted by a circle cover-
ing two bits.
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Figure 11-34 Transforming a partial-preduct tree {a) into a Wallace tree {b,c.d],
using an iterafive covering process. The example shown is for a four-bit operand.

To arrive at the minimal implementation, we lteratively cover the tree with FAs and
HAs, starting from its densest part. In g first siep, we introduce HAs in columns 4 and 3
{Figuze 11-34b). The reduced tree is shown in Figure 11-34c, A second round of reductions
creates a tree of depth 2 (Figure 11-34d). Only three FAs and three HAs are used for the
reduction process, compared with six FAs and six HAs in the carry-save multiplier of
Figure 11-32" The final stage consists of a simple two-input adder, for which any type of
adder can be used {as discussed in the next section, “Final Addition™).

The presented structure is called the Wollace rree mulriplier [Wallace64], and its imple-
mentation is shown in Figure 11-35. The tree multiplier realizes substantial hardware savings for
larger multipliers. The propagation delay is reduced as well. In fact, it can be shown that the
propagation delay through the tree is egual to Oflog;,(/)). While substantially faster than the
carry-save structure for large multiplier word iengths, the Wallace multiplier has the disadvan-
tage of being very irregular, which complicates the task of coming up with an efficient layout.
This irregularity is visible even in the four-bit implementation of Figure 11-35.

There are numerous other ways to accumulate the partial-product tree. A number of com-
pression circuits has been proposed in the literature, a detailed discussion of which is beyond the
scope of this book. They are all based on the concept that when Tull adders are used as 3:2 com-
pressors, the number of partial producis is reduced by two-thirds per muliiplier stage. One can
even go a step further and devise a 4-2 {or higher order} compressor, such as in [Weinberger81,
Santore88]. In fact, many of today’s high-performance multiplers do just that.

11.4.4 Final Addition

The final step for completing the multiplication is 10 combine the result in the final adder. Perfor-
mance of this “vector-merging” operation is of key importance. The choice of the adder style
depends on the siructure of the accomulation array. A carry-lookahead adder is the preferable
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Figure 11-35 Wallace tree for four-bit multiplier.

option if all input bits to the adder arrive at the same time, as it vields the smallest possible delay.
This is the case if a pipeline stage is placed right before the final addition. Pipelining is a tech-
nique frequently used in high-performance multipliers. In noapipelined multipliers, the arrival-
time profile of the inputs to the final adder is quite uneven due to the varying logic depths of the
multiplier tree. Under these circumstances, other adder topologies, such as carry select, often
yield performance numbers similar to lookahead at a substantially reduced hardware cost
[Okiobdzija0l].

11.45 WMultiplier Summary

All the presented technigues can be combined to yield multipliers with extremely high perfor-
mance. For instance, & 54 X 54 multiplier can achieve a propagation delay of only 4.4 ns in a
0.25-um CMOS techmology by combining Booth encoding with a Wallace tree by using 4-2
compression in pass-transistor implementation and by using a mixed carry-select, carry-
lockahead topology for the final adder {Ohkubo95]. More information on these multipliers {and
others) can be found in the references [e.g., Swartzlander90, Gklobdzija01].

11.5 The Shifter

The shift operation is another essential arithmetic operation that requires adequate hardware
support. It is used extensively in floating-point units, scalers, and multiplications by constant
numbers, The latter can be implemented as a combination of add and shift operations. Shifting a
data word left or right over a constant amount is a trivial hardware operation and is implemented
by the appropriate signal wiring. A programmable shifter, on the other hand, is more complex
and requires active circuilry. In essence, such a shifter is nothing less than an intricate multi-
piexer circuit. A simple one-bit left-right shifter is shown in Figure 11-36. Depending on the
control signals, the input word is either shifted left or right, or else it remains unchanged. Malt-
bit shifters can be built by cascading a number of these units. This approach rapidly becomes
complex, unwieldy, and ultimately too slow for larger shift values. Therefore, a more structured
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Figure 11-36 Cne-bit (left—ight) programmable shifter.
The data passes undisturbed under the nop condition,

approach is advisable. Next, we discuss two commonly used shift structures, the barrel shifter
and the fogarithmic shifter.

11.5.1 Barrel Shifter

The structure of a barrel shifter is shown in Figure 11-37. It consists of an array of transistors, in
which the number of rows equals the word length of the data, and the number of columns equals
the maximom shift width. In this case, both are set equal to four. The control wires are routed
diagonally through the array. A major advantage of this shifter is that the signal has to pass
through at most one transmission gate. In other words, the propagation delay is theoreticaily
constant and independent of the shift value or shifter size. This is not true in reality, however,
because the capacitance at the input of the buffers rises linearly with the maximum shift width.

As ¥
t -
I s L I W s > B —— : Data Wire
Sy | T T T T === : Contral Wire
A -= 1! E__g -1
, .
P i 1 -
(N B Rl iy >
Shy |Am-i A ;I_'] -
A, —— — — —
. - = B
SEGE TRk S T > *
Sty Jdeos B E- T
B —1 - A >’ B
I TR S W o ’
T T LT
I I ! i
Sty Shy Sky $hy

Figure 11-37 Barrel shifier with a programmable shift width from zero to three
bits 1o the right. The structure supports automatic repetition of the sign bit {45, also
called sign-bit extension.
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An important property of this circuit is that the layout size is not dominated by the active
tramsistors as in the case of all other arithmetic circuits, but by the number of wires running
through the cell. More specifically, the size of the cell is bounded by the pitch of the metal wires!

Another important consideration when selecting a shifter is the format in which the shitt
value must be presented. From the schematic diagram of Figure 11-37, we see that the barrel
shifter needs a control wire for every shift bit. For example, a four-bit shifter needs four control
signals. To shift over three bits, the signals Shy: Sh, take on the value 1000. Only one of the sig-
nals is high. In a processor, the required shift value normally comes in an encoded binary format,
which is substantiaily more compact. For instance, the encoded control word needs only two
control signals and is represented as 11 for a shift over three bits. To translate the latter represen-
tation into the former {with only one bit high), an extra module called a decoder is required.
{Decoders are treated in detail in Chapter 12.)

Problem 11.¢  Two’s Complement Shifter

Explain why the shifter shown in Figure | {-37 implements a two’s complement shift.

11.5.2 Logarithmic Shifter

While the barrel shifter implements the whole shifter as a single array of pass transistors, the
logarithimic shifter uses a staged approach. The total shift value is decomposed into shifts over
powers of two. A shifter with a maximum shift width of f consists of a log,M stages, where the
ith stage either shifts over 2 or passes the data unchanged. An example of a shifter with a maxi-
mum shift value of seven bits is shown in Figure [1-38. For instance, to shift over five biis, the
first stage is set to shift mode, the second to pass mode, and the last stage again fo shift. Notice
that the control word for this shifler is already encoded, and no separate decoder is required.

The speed of the logarithmic shifter depends oxn the shift width in a logarithmic way, since
an M-bit shifter requires log, M stages. Furthermore, the series connection of pass transistors
slows the shifter down for larger shift values. A careful introduction of intermediate buffers is
therefore necessary, as discussed in Chapter 6.

In general, we conclude that a barrel shifter is appropriate for smaller shifters. For larger
shift values, the logarithmic shifter becomes more effective, in terms of both area and speed.
Furthermore, the logarithmic shifter is easily parameterized, allowing for automatic generation.
The most important concept of this section is thal the exploitation of regularity in an arithmetic
operator can lead to dense and high-speed circuit implementations.

11.6 Other Arithmetic Operators

In the previous sections, we only discussed 2 subset of the large number of arithmetic circuits
required in the design of microprocessors and signal processors. Besides adders, multipliers, and
shifters, others operators such as comparators, dividers, counters, and goriometric operators
{sine, cosine, tangent) are often needed. A full analysis of these circuits is beyond the scope of
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Figure 11-38 Logarithmic shifter with maximal shift width of seven bits to the right.
{Only the four least significant bits are shown.)

this book. We refer the interested reader to some of the excelient references available on the
topic {e.g., [Swartzlander$0], [Oklobdzijali].

The reader should be aware that most of the design ideas introduced in this chapter apply
to these other operators as well. For instance, comparators can be devised with a linear, square
root, and logarithmic dependence on the number of bits. In fact, some operators are simple
derivatives of the adder or muliiplier structures presented earlier. For example, Figure 11-39
shows how a two’s complement subtractor can be realized by combining a two’s complement
adder with an extra inversion stage, or hew a subtractor can be used to implement A 2 B.

Iy Ins Iy Im
1
Ceii =1 Cx{} =1
Two'’s complement add [-— Two's complement add =
Sat
IIT] - 5322
!
=,
{a) Subtractor {b) Comparater

Figure 11-3% Arithmetic struciures derived from a full adder.
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Problem 11.1¢ Comparator

Derive a Jogic diagram for a comparaior that implements the following logic functions: 2, =, and <,

The core of ary microprocessor or microcontroller is the arithmetic-logie unit {or ALU). The ALU com-
hines addition and subtraction with other operations, such as shifting and bitwise logic operations (AND,
OR, and XOR).

An ALU taken from a 64-bit high-end microprocessor is shown in Figure 11-40 [Mathew(1.]7 I con-
sists of two levels of wide muitiplexers, a 64-bit adder, a logic unit, an operator-merging multiplexer and
the write-back bus driver. The first pair of 91 mudtiplexers selects the from nine different inpwt sources,
three of which are from register fles and caches. The other six are bypass paths that come directly from the
six ALUs—the microprocessor in question can issue six integer instiuctions in one cycle. One of the bypass
loops actually feeds the output of the ALU back to its own nput, creating a single cycle loop that defines
the critical path. The second 5:1 maltiplexer on the A input performs a partiai shifting of the operand, while
the 2:1 multiplexer on the B input simply inverts the operand to implement sebtraction. The adder executes
two’s compiement addition or subtraction on the operands A and B. Two's complement subtraction is per-
formed by inverting all the bits of the operand B {using the 2:1 MUX) and by setting the carry-in to one.
The smm-selection biogk not only implements the sum selection, but also merges the outputs of arithmetic
and logic units. Finally, a strong buffer drives the loop-back bus, which presents a lasge load to the ALUL
For example, for a six-issue Intel/HP Hanium processor [Fetzer(2], the bus has to connect to 21l six units,
translating into more than 2 mm of wite length in a 0.18-um technology. When added to the Joad from the
register file, it presents over C.3 pF of capacitive load.

An ALL represents a typical example of a bit-sheced design. Bach slice in each block is pitch
matched, which minimizes the vertical routing. A floor plan of the 64-bit ALY is shown in Figure 1141,
Interceil routing is done horizontally in metal-3, except for the long horizontal wires between adder stages
1 and 2 and 2 and 3, which are laid out in a combination of metal-3 and metai-4. For example, if the adder
is implemented as a radix-4 CLA, the longest wire after the second PG stage erosses 48 celis.

from ] —— —
ALUs, = "=l oa G
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-] —] = Tree  |select
[ ] 1N e
—— I é .
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= Dc DQ
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2 > 5 SUMGEN >
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g el B Unit >
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Figure 11-40 A 64-bit arithmetic-logic unit.
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Figure 11-41 Floor plan of a 64-bit ALU.

Figure 11-42 Microphotograph of the Itanium processor, showing bit-sliced
design of six ALUs together with bypasses, register fiie, and control logic.
{Courtesy of Intel)

The loop-back wiring is routed in the top-level metal {e.g., melal-5). In case of a multiple-issue
microprocessor, these busses span across afll ALUs, as can be seen in Figure 11-42. The number of loop-
back busses frequently determines the bil-pitch in multiissue ALUs. In our example, nine 64-bit-wide bus-
ses have to crass back over the ALUL To avoid necding o add extra wiring space, the bit width is set to nine
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bus-wire pitches. Since these wires are long; they are designed with double width and at least double spac-
ing to reduce their resistance and capacitance, B

11.7 Power and Speed Trade-Offs in Datapath Structures*®

In the preceding discussion on adders, multipliers, and shifters, we mainly explored the trade-off
between speed and area and ignored power considerations. Tn this section, we briefly analyze the
third dimension of the design exploration space. Since most of the approaches to minimize
power were already introduced in Chapter 6, the discussion that follows serves mostly as an
ilfustration of the concepts advanced there.

Typical digital designs are either lafency or throughpst constrained. A jatency-constrained
design has to finish computation by a given deadline. Interactive communication and ganing are
examples of such. Throughput-constrained designs, on the other hand, must maintain a required
data throughput. A 1000BaseT Gigabit Ethernet connection has to maintain a constant through-
put of 1 Gigabit/s. The architectural optimization techniques that are available to the designer
differ based on the design constraints. Pipelining or paraleiization, for instance, works effec-
tively for the throughput-constrained scenario, but it may not be applicable to the fatency-con-
strained case. For example, a throughput of 1 Gb/s over copper wires is achieved in Gigabit
Ethernet by processing four 250 Mb/s streams of data in parallel.

With a fixed architecture of the datapath, speed, area, and power can be traded off through
the choice of the supply voltage(s), transistor thresholds, and device sizes, This opens the door
for a large variety of power minimization techniques, which are surmmarized in Table 11-3. T
are classified as follows:

« Enable Time—Some design technigues are implemented (or enabled) at design time.
Transistor widths and lengths, for instance, are fixed at the time of design. Supply voltage
and transistor thresholds, on the other hand, can be either assigned statically during the
design phase, or changed dynamically at run time. Other techniques primarily address the
time that a function or module in a digital design is in idle mode (or standby). It is only
logical to require that the power dissipation of a module in sleep mode should be abso-
lutely minimal.

Table 11-3 Power minimization techniques.

Constant Throughput/Latency Variable Throughput/Latency
Design Time Sleep hode RunTime
Active Lower Vi, Multi-Vpp,, Clock gating Dynamic voltage scaling

Tramsistor Sizing
Logic Optimizations

Leakage Multi-Voy -+ Sleep transistors, Variable Vo, +
Active Techniques Variable Vi, Active Technigues

443



11.7 Power and Speed Trade-Offs in Datapath Structures* 801

*» Targeted Dissipation Source—Ancther classification of the power-management tech-
niques concerns the source of power dissipation they address: active {dynamic) power or
leakage (static) power. Lowering the supply voltage, for example, is a very attractive tech-
nique: It not only reduces the energy consumed per transition in a quadratic way—albeit at
the expense of performance—but also reduces the Ieakage current. On the other hand,
increasing the threshold voltage mainly itmpacts the leakage component,

The sleep mode of operation deserves some special attention. If a digital biock still
receives a clock while in idle mede, its clock distribution network, together with the attached
fiip-flops, continues to consume energy, even whiie no computation is performed. Recalt that,
typically, one third of total energy of a digital system is consumed in clock distribution network.
A commeon method to reduce power in idle mode is the clock gating techrique introduced in
Chapter 10. In this approach, the main clock connection to a module is tumed off (or gared)
whenever the block is idle. However, clock gating does not reduce the leakage power of the idle
block. More complicated schemes to lower the standby power have to be used, such as increas-
ing the transistor thresholds or switching off the power rails.

In the following sections, we discuss each of these design-time and run-time techniques
in detail.

11.7.1 Design-Time Power-Reduction Techniques

Reducing the Supply Voltage
A reduction in supply voltage results in quadratic power savings and thus is the most attractive
approach. On the negative side, the delay of CMOS gaies increases inversely with supply volt-
age. At the datapath level, this Joss of performance can be compensated for by other means, such
as logical and architectural optimizations. For example, a ripple-carry adder ean be replaced by a
faster structure, such as a lookahead adder. The latter implementation is farger and more com-
plex, which translates into a larger physical and switching capacitance. This is more than offset
by the fact that the faster adder can run at a fower supply voltage for the same performance.

The trade-off between ripple and lookahead operates at the logical level. Similarly, and
even more effectively, architectural optimizations can be employed to compensate for the effect
of areduced Vpp, as illustrated in Example 11.7.

Example 11.7 Minimizing the Power Consumption by Using Parallelism

To illustrate how architectural techniques can be used to compensate for reduced speed,
a simple eight-bit datapath consisting of an adder and a comparator is analyzed, assum-
ing a 2-pum CMOS technology [Chandrakasan92]. As shown in Figure 11-43, inputs A
and £ are added, and the result is compared with input C, Assume that the worst case
delay through the adder, comparator, and latch is approximately 25 ns at 2 supply volt-
age of 3V, At best, the system can be clocked with a clock period of T = 25 ns. When
required to tun at this maximum possible throughput, it is clear that the operating
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Figure 11-43 A simple datapath with corresponding layout.

voltage cannot be reduced any furiher because no extra delay can be tolerated. We use
this topology as the reference datapath for our study and present power Improvement
numbers with respect to this reference. The average power consumed by the reference
datapath is given by

Pref = Cre_f VEef fref (1126)

where C,/is the total effective capacitance being switched per clock cycle. The effective
capacitance can be determined by averaging the energy over a sequence of random input
patterns with a uniform distribation.

One way to maintain throughput while reducing the supply voltage is to utilize a
parallel architecture. As shown in Figure 11-44, two identical adder-comparator datapaths
connect in parallel, allowing each unit to work at half the original rate while maintaining
the original throughput. Since the speed requirements for the adder, comparator, and latch
have decreased from 235 ns to 50 ns, the voltage can be dropped from 5 V 10 2.9 V—the
voltage that doubles the delay. While the datapath capacitance has increased by a factor of
two, the operating frequency has correspondingly decreased by a factor of two. Unfortu-
nately, there also is a slight increase in the total effective capacitance due to the extra rout-
ing and data multiplexing. This results in an increased capacitance by a factor of 2.15. The
power for the parallel datapath is thus given by

2 fre
Pgmr = Cpm'vzp{frfpar = (zijc;ef)(aﬁngf}'( 2

] ~036P, (127

The approach presented trades off area for power, as the resulting area 1s approxi-
mately 3.4 times larger than the original design. This technique is only applicable when
the design is not area constrained. Furthermore, paralielism introduces extra routing over-
head, which might cause additional dissipation. Careful optimization is needed to mini-
mize this overhead.

Parallelism is not the only way to compensate for the loss in performance, Other architec-

tural approaches, such as the use of pipelining, can accomplish the same goal. The most impor-
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Figure 11-44 Paralisl implementation of the simple datapath.

tant message in the preceding analysis is that if power dissipation is the prime concern, dropping
the supply voltage is the most effective means to achieve that geal. The subsequent loss in per-
formance can be compensated for, if necessary, by an increase in area. Within certain bounds,
this is acceptable, since area is no longer the compelling issue it used to be due to the dramatic
increase in integration levels of the last decade.

Problem 11.11 Reducing the Supply Voltage, Using Pipelining

A pipeline stage is introduced between the adder and the comparator of the reference datapath of
Figure 11-44. You may assume that this roughly halves the propagation delay of the logic, while it
increases the capacitance by 15%. Obviously, an extra pipeline register is nesded on input € as well.
Determine how much power can be saved by this approach, given that the thronghput has e remain con-
stant compared with the reference datapath. Comment on the area overhead.

Using Multiple Supply Voltages

Reducing the supply voltage is fairly traightforward, but it may not be optimal. Reduced supply
evenly lowers the power dissipation of all logic gates, while evenly increasing their delay. A bet-
ter approach is to selectively decrease the supply voltage on some of the gates:

* those which correspond to fast paths and finish the computation early, and
* those with gates that drive large capacitances, have the largest benefit for the same delay
increment.
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This approach, however requires the use of more than one supply voitage. Multiple supply volt-
ages are already employed frequently in today’s ICs. A separate supply voltage is provided for
the 1O for compatibility reasons, where the IO ring is designed with transistors with thicker
gate oxides to sustain higher volitages. The logic core is powered from lower voltage supplies
and uses transistors with thinner oxides. This approach can be extended to lower the power dis-
sipation of a circuit. For instance, every module could select the most appropriate voltage from
twe {or more) supply opticns. Even more extreme, multiple voltages can be assigned on a gate-
by-gate basis.

Module-Level Voliage Setection Consider, for instance, the digital system shown in
Figure 11-45, which consists of a datapath block with a critical path of 10 ns and a control block
with a much shorter critical path of 4 ns, operating from the same sopply voltage of 2.5 V. Also,
asgume that the datapath block has a fixed latency and throughput and that no architectural trans-
formation can be applied to lower its supply. Siace the control block finishes early (in other
words, it has fiming slack), its supply voltage can be lowered. A reduction to Vg = 1V
increases its critical path delay to 10 ns, and lowers its power dissipation by more than five
times.® We effectively exploit the discrepancy in the critical-path length of the various modales
(called the slack) to selectively lower the power consumption of the modules with the larger
slack.

When combining multiple supply voltages on a die, Jevel converters are required when-
ever 4 module at the lower supply has to drive a gate at the higher voltage, If 2 gate supplied by
Vg, drives a gate at Vip,y, the PMOS transistor never turns off, resulting in static current and
reduced output swing as illustrates in Figure 11-46. A level conversion performed at the bound-
aries of supply voltage domains prevents these problems. An asynchronows level converter,
based on the DVSIL. template (Chapter 6) and similar 1o the low-swing signalling gate of
Figure 3-32, is shown in Figure | 1-46. The cross-coupled PMOS transistors perform the level
conversion by using positive feedback. The delay of this level converter is quite sensitive to tran-
sistor-sizing and supply-voltage issues. The NMOS transistors operate with a reduced overdrive,
Voo~ Vo compared with the PMOS devices. They have to be made large 10 be able o over-
power the positive feedback. For a low value of V5, the delay can become very long. Due to

data path
L, =10ns
Vdd =25V

control path
fpb=4mns
Vdd =25V

Figure 11-45 Design with diverging critical-path lengths.

This nses the simplifying assumpticn that the propagation delay is inversely proportional 1o the supply voitage.
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Yoon

Figure 1i-46 Level converter.

the reduced overdrive, the circuit is also very sensitive to variations in the supply voltage. Note
that level converters are not needed for a step-down change in voltage.

The overhead of the level conversion can be somewhat mitigated by observing that most
conversions are performed at a register boundary. For instance, the control inputs to the datapath
block of Figure 11-45 are commonly sampled in a register. A practical way to perform the level
conversion 1s, then, to embed it inside the register. A level-converting register is shown in
Figure 11-47. It is a conventional transmission gate implementation of a master—siave latch pair,
where a cross-coupled PMOS pair is embedded in the slave laich to perform level conversion.

Multiple Supplies Inside a Block The same approach can be applied at much smaller granu-
larity by individually setting the supply voltage for each cell inside a block [Usami9s,
HamadaQ[]. Examining the histogram of the critical-path delays for a typical digital block
reveals that only a few paths are critical or near critical and that many paths have much shorter
delays. The shorter paths essentially waste energy, as there is no reward for finishing early. For
each of these paths, the supply voltage couid be lowered o the optimum level. Minimum energy
consuraption would be achieved if all paths become critical. However, this is not easily achiev-
able, as many logic gates are shared between different paths, and it is impractical to generate and

Ynpu

|
g) i
ckb

ckb ck
elk - >o—>0— —D%— = C2MOS

Figure 11-47 Level-converting register. Shaded gates are
supplied from Vgp, [Usamids).
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> g
b >

Figure 11-48 Dual-supply design using clustered voltage scaling. Each path staris with a
high supply and switches 1o a low supply (gray logic gates) if there is a delay slack.
Level conversion is perfermed in the registers.

distribute a wide range of supply voltages. A more practical implementation, employing only
two supplies, is shown in Figure 11-48. Using a clustered voitage-scaling technique, each path
starts with the high supply voltage and switches to the low supply when delay slack is available.
Level conversion is performed in the registers at the end of the paths, using circuits such as the
one introduced in Figure 11-47, Note that the fevel conversion is necessary only if the logic sec-
tion that follows cannot ran entirely off the low supply.

The impact of this approach is illustrated in Figure 11-49, which plots the path-jength dis-
tribution of a typical logie block for single and dual supplies. When a single supply is used, a
large fraction of the paths is substantially shorter than critical. Adding the second supply shifts
the delay distribution closer to the target delay, making many more paths critical. If the design
has very few critical paths and most of paths finish early, erergy savings would be large. On the
other hand, if most of the paths inside a block are critical, introducing the second supply does
not yield any energy savings. You may wonder if adding a third or even a fourth supply voltage
may yield even greater benefits to equalize the larger delay spreads. Unfortunately, a munber of
studies have shown that for typical path-delay distributions, adding more supplies only yields
marginal savings [Hamada(l, Augsburger02].

Similarly, one may ask whether this dual-supply technique yields z larger benefit, com-
pared with a uniform reduction the supply. In using clustered voltage scaling, the dual-supply
approach is more effective when large switched capacitances are concentrated toward the

4 Dual-supply delay  Target

distribution delay
§

Original delay
distribution

Path count

£
H
£
£
H
£

Delay

Figure 11-49 Typicai path-delay distibution before
and aiter applying the second supply.
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Figure 11-50 Layout of 3 dual-supply logic block where all
calls at different suppliss are placed in different rows.

end of the block, such as in buffer chains {Stojanovic021. This observation is in accordance with
the concept of low-swing busses, introduced in Chapter 9. A bus typically presents the largest
capacitance, and i is more advantageous to lower the supply voltage on its driver than that on
any other logic gate. Since it has the largest capacitance, the payoff in power savings is the larg-
est for the same increase in delay.

Distributing multiple supply voltages on a die complicates the design of the power-distri-
bution network and tends to tax the traditional place-and-route tools. As we saw many times
before, 2 structured approach can help to minimize the impact. One simple option is to place
cells with different supplies into different rows of a standard cell Iayout, as shown in
Figure 11-50. The second supply can be brought in from outside the chip, or it can be gener-
ated on the die, vsing an internal DC-DC converter. Step-down switching DC-DC converters
have a conversion efficiency of well over 90% and yield only a minimal overhead. Stll the
Vpp distribution network has to meet all necessary design requirements, such as decoupling to
minimize the voltage variations and immunity to electromigration.

Using Multiple Device Thresholds

The use of devices with multiple thresholds offers another way of trading off speed for power,
Most sub-0.25—1um CMOS technologies offer two types of #- and p-type transistors, with thresh-
olds differing by about 100 mV. This higher threshold device features a leakage current that is
about one order of magnitude lower than that of the lower threshold transistor, at the expense of
& ~30% reduction in active current. Therefore, the low-threshold devices are preferably used in
timing-critical paths, while the high thresholds are used anywhere else. The assignment can be
done on a per-cell basis, rather than per individual transistor [Wei99, Kato00]. Note that the use
of multiple thresholds does not require level converters or any other special circuits, as shown
Figure 11-51. Clustering of the logic is not required either; as many gates as possible should be
converted o high threshold until the timing slack is completely consumed. A careful assignment
of the thresholds can reduce the leakage power by as much as 80%-90%.

While the multiple-threshold approach primarily addresses the leakage current, it yields a
small reduction in active power as an additional benefit. This is primarily due to 2 reduced gate-
channel capacitance in the off state and a small reduction in signal swing on the internal nodes of
a gate (Vpp—Vige)- Such a reduction is partially offset by increased source and drain junction
sidewall capacitances. The overall active power reduction turns out to be only about 4%,
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Figure 11-51 Use of dual-threshold gates. Gray-shaded gates use low
thresholds and are employed only in critical paths.

Reducing Switching Capacitance through Transistor Sizing

The input capacitance of a complementary CMOS gate is directly proportional to its size and,
therefore, also to its speed. In Chapter 6, we examined the optimal sizing of gates and found that
each gate in a logic path should be sized to have an effective fan-out of approximately 410
achieve the minimum delay for that path. An interesting question is how to size a circuit for min-
imum energy when the allowable delay is longer than minimal?

We know that for an inverter chain with a given load and number of stages, the minimum
delay is achieved when the size of each inverter in the chain is the geometric mean of its
neighbors:

5= S S (11.28)
When the minimum delay that is achieved by this sizing is below the desired delay, an optimiza-
tien problem can be formulated that minimizes the switching capacitance under delay con-
straints. One option is to reduce the number of stages and increase the tapering facter, as
suggested in Chapter 9. Even better, an analytical solution exists for this problem {MaB4], which
establishes that the optimal approach is to adjust the tapering factor at each stage according to
the following equation:

52 = Sixlfiot (11.29)
f+us,_,

The parameler | is a nonnegative number that depends on the amount of timing slack available
{with respect to the chain sized for the minimum delay). This soluticn is intuitively clear—the
last stages in the inverter chain are the largest; hence, they are the prime candidates for downsiz-
ing. Since downsizing any of the inverters in the chain by a given percentage causes the same
defay increment. Hence, we rather do it at the stage where we get the largest impact, which is the

largest one.
The same principle applies to a logic path. When it is optimized for minimum delay, the
delay of each stage is the same (while the intrinsic delays of gates may differ). Therefore,
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the delay of the largest energy consuming gates should be increased first. This idea can be
extrapolated to the energy—delay optimization of a general combinational logic block, However,
applying it in practice is not trivial. Downsizing one path affects the delay of all paths that share
logic gates with it, making it difficult to isolate and optimize one particular path. In addition,
many paths in a general combinational block are reconvergent.

Example 11.8 Energy-Delay Trade-Offs in Adder Design

Let us examine the energy-delay optimization of the 64-bit Kogge—Stone tree adder. There
are many paths through an adder, and not all of these paths are balanced. A crucial ques-
tien is how to identify the paths for resizing or initial sizing. One option is to select all the
paths in the adder equal to the critical path. Since the paths through an adder roughly cor-
respond to different bif slices, we allocate each gate in the adder to a bit slice. There are 64
bit slices, and a total of nine stages of logic. This partition works well for Figure 11-52a
shows the resulting energy map for the minimum delay. It can be seen that the adder con-
sumes the largest energy along the longest carry paths. Figure 11-32b shows the energy
profile of the same adder, this time resized, allowing for a 10% delay increase. The energy
dissipation is reduced by 54%. In contrast, a dual-supply solution saves only 27%, while a
single reduced supply yields 22% savings [Stojanovic02]. In summary, sizing is an effec-
tive power-reduction method for datapaths, where the majority of energy is con-
sumed inside the block, rather than in driving the exiernal load.

nominal: D = d,;, sizing: E (—54%), d,,.= 10%

Figure 11-52 Energy profiles of a 64-bit adder: {a) sized for minimum delay,
{b) sized for 10% delay increment and minimized energy.
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Reducing Switching Capacitance through Logic and Architecture Optimizations
As the effective capacitance is the product of the physical capacitance and the switching activity,
minimization of both factors is recommended. A wide variety of logic and architectural optimi-
zations exist that reduce the activity at no expense in performance. Some of those were already
introduced in Chapter 6. For the sake of brevity, we only show a small number of representative
optimizations. (Refer to [Rabaey94] and [Chandrakasan98] for an in-depth overview.)

Reducing Switching Activity by Resource Allocation Multiplexing multiple operations on a
single hardware unit has a detrimental effect on the power consumption. Besides increasing the
physical capacitance, it can also increase the switching activity. This is iltustrated with a simple
experiment in Figure 11-33, which compares the power consumption of two counters running
simultaneously. In the first case, both counters run on separate hardware, white in the second
case, they are multiplexed on the same unit. Figure 11-53b plots the number of switching events
as a function of the skew between the two counters. The nonmultiplexed case is always superior,
except when both counters run in a completely synchronous fashion, The multiplexing tends (o
randomize the data signals presented to the operational unit, which results in increased switch-
ing activity, When power consumption is a concern, it is often beneficial to avoid the excessive
reuse of resources. Observe that CMOS hardware units consume only negligibie amounts of
power when idle. Providing dedicated, specialized operators only presents an extra cost in area,
while being generalily beneficial in terms of speed and power.
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Figure 11-53 Mulfiplexing increases the switching activity.
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Figure 11-54  Glitching in the sum bits of a 16-bit ripple-carry adder.

Reducing Glitching through Path Balancing  Dynamic hazards, or glifehing, are a major con-
tribution to the dissipation in complex structures such as adders and multipliers. The wide dis-
crepancy in the lengths of the signal paths in some of those siroctures can be the cause of
spurious transients. This is demonstrated in Figure 11-54, which displays the simulated response
of a 16-bit ripple adder for al! inputs going simultaneously from 0 to 1. A number of the sum bits
are shown as a function of time. The sum signals should be zero for all bits. Unfortunately, a |
appears briefly at all of the outputs, since the carry takes a significant amoant of time to propa-
gate from the first bit to the last. Notice how the glitch becomes more pronounced as it travels
down the chain.

A dramatic reduction in glitching activity can be obtained by selecting structures with bal-
anced signal paths. The tree lookzhead adder structures {such as Kogge-Stone) and the tree mul-
tipliers have this property; therefore, they should be more attractive from a power point of view,
eveil in the presence of a larger physical capacitance. An inspection of the lackahead structure of
Figure 11-22 reveals that the timing paths to the inputs of dot operators are of a similar length,
although some deviations may occur due to differences in loading and fan-out.

11.7.2 Run-Time Power Management

Dynamic Supply Voltage Scaling (DVS)

A static reduction of the supply voltage, as discussed in the preceding paragraphs, lowers the
energy per operation and extends the battery life at the expense of performance. This perfor-
mance penalty is often not acceptable, especially in applications that are latency constrained.

454



612 Chapter 11 +« Designing Arithmetic Building Blocks

Substantial power reductions are still obtainable, based on the realization that the pealk perfos-
mance is not continuously required. Consider, for instance, a general-purpose processor © be
used in portable applications, such as notebobks, electzonic organizers, and celiular phones. The
computational functions o be executed on such a processor fall into three maior categories:
compute-intensive tasks, low-speed functions, and idle-mode operation. Compute-intensive and
shout-latency tasks need the full computational throughput of the processor to achieve real-time
constraints. MPEG video and audio decompression are examples of such. Low-throughput and
long-latency tasks, such as text processing, data entry, and memory backups, operate under far
mere relazed completion deadlines and reqguire only a fraction of the maximum throughput of
the microprocessor. There is no reward for finishing the computation early, and if a task is com-
pleted early, it can be considered a waste of energy. Finally, portable processors spend 2 large
fraction of their time on idle, waiting for a user action or an external wake-up event. In s, the
computational throughput and latency expected from a mobile processor vary drastically over
time.

Even compute-intensive operations, such as MPEG decoding, show vartable computa-
tional requirements while processing a typical stream of data. For example, the number of times
an MPEG decoder computes an inverse discrete cosine transform (IDCT) per video frame varies
widely, depending upon the amount of motion in the video scenes. This is illusirated in
Figare 11-35, which plots the distribution of the number of IDCTs/frame for a typical video
sequence. The processor that is executing this algorithm experiences a different computational
workload from frame to frame,

Lowering the clock frequency when executing the reduced workloads reduces the power,
but does not save on energy—every operation is still execuied at the high voltage level. How-
ever, if bath supply voltage and frequency are lowered simultancously, the energy is reduced. In
order to maintaln the required throughput for high workloads and minimize energy for low
workloads, both supply and frequency must be dynamically varied according to the require-
ments application that is currently being executed. This technigue is called dynamnic voltage
scating (DVS), The concept is illustrated i Figure 11-56 {Burd00, Gutnik97]. It operates under
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Number of IDCTS per frame

Figure 11-55 Typical IDCT histogram for MPEG decoding.
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the puideline that a function should always be eperated at the lowest supply voltage that

meets the timing consiraints.

The DVS concept is enabled by the observation that the delay of most CMOS circuits and
functions track each other well over a range of supply voltages, which is a necessity for system
operation under varying supply conditions. Figure 11-57 shows the delays of a number of repre-
sentative CMOS blocks (such as NAND gates, ring oscillators, register files, and SRAM), over a
supply voltage range from 1 V to 4 V [Burd00]. Excellent performance tracking can be
observed. Note that some circuit families, such as NMOS-only pass-transistor logic do not fol-

low this behavior over the complete range of supplies.

A practical implementation of a dynamic-voltage scaling system now consists of the fol-

lowing components:

* a processor that can operate under a wide variety of supply voltages,
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Figure 11-58 Block diagram of a dynamic voltage-scaled system.

» a supplv-regulation loop that sets the minimum voltage necessary for operation at a
desired frequency, and

* an operating system that calceulates the required frequencies to meet requested throughputs
and task completion deadlines.

One possible implementation is shown in Figure 11-38. The core of the DVS systemisaa
ring oscillator, whose osciflating frequency maiches the microprocessor critical path. When
included inside the power-supply contrel loop, this ring oscillator provides the translation
between the supply voltage and the clock frequency. The operating System digitally sets the
desired frequency (Fppo). The current value of ring oscillator frequency is measured and com-
pared with the desired frequency. The difference is used as a feedback ervor. By adjusting the
supply voltage, the supply-voltage loop changes the ring oscillator frequency to set this error
value to 0.

The task of the scheduler {or real-time operating system) is to determine dynamically the
optimal frequency {(or voliage) as a function of the combined computational requirements of all
active tasks in the system. In the more complex case of a general-purpose processor, each task
should supply a completion deadline (e.g., video frame 1ate} or a desired execution frequency.
‘The voltage scheduler then estimates the number of processor cycles necessary for completing
each of the tasks and computes the optimal processor frequency {Pering99]. In the case of a sin-
gle task with varying performance requirements, a gueue ¢an be used to determine the computa-
tional load and t© adjust the voltage accordingiy. This is illustrated in Figure 11-59, where the
depth of the input queue is used to set the supply voltage (and frequency) of a stream-based sig-
nal processor [Guinik97].

Dynamic Threshold Scaling (DTS)

In analogy to the dynamic variation of the supply voltage, it is attractive to adjust the threshold
voltage of the transistors dynamically. For low-latency compuiation, the thresheld should be
lowered te its minimal value; for low speed computation, i can be increased; and in the standby
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Figure 11-5% Using a queue o determine the workload in a
signal processor [Guinikd7).

mode, it should be set to the highest possible value to minimize the leakage current. Substrate
bias is the control knob that allows us to vary the threshold voltages dynamically. In order to do
so, we have to operate the transistors as four-terminal devices. This is only possible in a triple-
well process, as independent control of all four terminals of both x#- and p-type devices is
required, as shown in Figure 11-60. Substrate biasing can be implemented for a complete chip,
on a block-by-block or a cell-by-cell basis. Per cell granslarity of substrate biasing, however, has
a large layout cost.

Similar to dynamic supply-voltage scaling scheme, the variable threshold voltage scheme
is based on a feedback loop, which can be set to accomplish a variety of goals:

* It can lower the leakage in the standby mode

» It can compensate for threshold variations across the chip during normal operation of the
circuit

+ It can throttle the throughput of the circuit to lower both the active and leakage power
based on performance requirements,

Since the current flow into the substrate is much smaller than into the supply lines, DTS
has a smaller circuit overhead than DVS. A feedback system, designed to contro} the leakage in

Voo T Vaap

VSS VBB.H

Figure 11-60 An inverter with body terminals used for threshoid control.
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Figure 11-81 Variabie threshold control scheme
implemented with a leakage current monitor [Kurodage],

a digital module, is shown in Figure 11-61 {Kuroda96 and Kuroda(i]. It consists of a leakage
control monitor and a substrate bias charge pump, added to the digital block of interest.

The leakage current monitor is crucial for implementing this scheme. Transistors M, and
M, are biased to operate in the subthreshold region. When an NMOS transistor is in the sub-
threshold, its current is given by

Iy = I/Wy W10 & (11.30)

where § is the subthreshold slope. The output of the bias generator V), equals
V, = §-log(W.,/W)) {11.31)
From the total transistor width of all transistors in the block that is to be monitored,

Warock the total curtent scaling factor can be found:

v,

JTI.CM _ WLCM 10 5_ WLC’M W?_

= = - {11.32)
Iprock Warock Warock W,
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To minimize the power penalty of the monitoring, the leakage monitor should be made as
small as possible. However, if it is too small, the overall leakage monitoring response gets
slower and the substrate biasing does not track variations closely. The optimal value can be set
very low, with the monitor transistor being as small as 0.001% of the total transistor width on
the chip.

A conventional charge pump siphons current in and out of the substrate. The control cir-
cuit monitors the leakage current. If it is above the preset value—corresponding to the mode of
operation, set externally by the user or the operaling system—the charge pump increases the
negative back bias by pumping current out of the substrate. The charge pump shuts off when the
leakage current reaches the target value. Junction leakages and impact ionization in the circuit
will eventally raise the substrate bias voltage again, which activates the feedback loop new.
Since it does not have to provide large supply curents on a continuous basis, this scheme is sim-
pler to implemest than dynamic voltage scaling.

Unfortunately, the effectiveness of adaptive body biasing is decreasing with further tech-
nology scaling. This is due to inherently lower body-effect factors and increased junction leak-
age attributable to band-to-band wnneling.

11.7.3 Reducing the Power in Standby (or Sleep) Mode

The idle mode represents an extreme comer of the dynamic power-management space. As no
active switching occurs, all power dissipation is due to leakage——assuming that appropriate
clock and input gating is in place. One option to reduce the leakage during standby is the DTS
technique presented in the previcus section. A simpler power-down scheme utilizes large sleep
transistors to switch off the power supply rails when the cirenit is in the sleep mode. This
straightforward approach significantly reduces the leakage current, but increases the design
complexity. It can be implemented by using a power switch on the supply rail only, or, even bei-
ter, on both supply and ground rails, as shown Figure 11-62.

In normal operation mode, the SLEEP signal is high, and the sleep transistors must present
as small a resistance as possible. The finite resistance of these transistors results in noise on sup-
ply rails, atiributable to changes in supply current drawn by the logic. The sizing and the selec-
tion of the thresholds of the sleep transistors is subject to a trade-off process. To minimize
fluctuations in the supply voltage, the sleep transistors should have a very low on-resistance, and
therefore be very wide. However, increasing their size brings with it 2 major layout penalty.
When transistors with a higher threshold are available, a better leakage suppression can be
achieved. However, high-threshoid devices must be even larger to yield the same resistance as
low-threshold devices. The principles of leakage reduction are a direct extension of principles
introduced in Section 6.4.2. Adding the sleep transistor effectively increases the transistor stack
height, resulting in leakage reductions of the order of tens (for low threshold switches) to a thou-
sand (for high threshold switches) times.

As opposed to simple clock gating, switching off the power supplies erases the state of the
registers inside the block. In some applications, this is acceptable, such as when a completely
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Figure 11-62 Sleep transistors used (&} only on the supply rail, {&) on both
supply and ground.

new task is executed after the block wakes up again. However, additional effort is required when
the state needs to be preserved. One option is to connect all the registers to the nongated supply
rails, Vpp, and Vg, as discussed in Chapter 7 and shown in Figure 7-18. An aliernative Is to use
the operating system to save the state of all registers to a nonvolatile memory.

11.8 Perspective: Design as a Trade-off

The analysis of the adder and multiplier cireuits makes it clear again that digital circuit design is
a trade-off between area, speed, and power requirements. This is demonstrated in Figure 11-63,
which plots the normalized area and speed for some of the adders discussed earlier as a function
of the number of bits.” The overall project goals and constrainis determine which factor is dominant.

The dic area has a strong impact on the cost of an integrated circuit. A larger chip size
means hat fewer parts it on a single wafer as discussed in Chapter 1. Reducing the area can
help the viability of a product. Ultimate performance is what makes the newest MICTOPrOGESSOr
sell, and the Jowest possible power consumption is a great marketing argument for a cellular
phone. Understanding the market of a product is therefore essential when deciding on how o
play the wade-off game. One should be aware that all design constraints—speed, power, and
area—contribute to the feasibility or market success of a design.

In this context, it is worth summarizing some of the important design concepts that have
been introduced in the course of this chapter:

*Be gware that these resulis are for a particelar implementation i a particular technology. Extrapolation to other tech-
nologies should be done with care.
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Figure 11-63 Area and propagation delay of various adder structures as a function
of the number of bits A Based on results from [Vermassengs].

1. The most important rule is to select the right struczure before starting an elaborate circuit
optimization. Going for the optimal performance of a complex structure by rigorously
optimizing transistor sizes and topologies probably will not give you the best resuit. Opti-
raizations at higher levels of abstraction, such as the logic or architectural level, can often
generate more dramatic results. Simple first-order calculations can help give a global pic-
ture on the pros and cons of a proposed structure.

2. Determine the crifical timing path through the circuit, and focus most of your optimization
efforts on that part of the cireuit. In addition to hand analysis, computer-aided design tools
are available to help determine the critical paths and size the transistors appropriately. Be
aware that some noncritical paths can be downsized to reduce power consumption.

3. Circuit size 18 not only determined by the number and size of transistors, but also by other
factors such as wiring and the number of vias and contacts. These factors are becoming
even more important with shrinking dimensions or when extreme performance is a goal.

4. Although an obscure optimization can sometimes help to get a better result, be wary if this

results in an irregular and convoluted topology. Regularity and modularity are a designer’s
best friend.

3. Power and speed can be traded off through 2 choice of circuit sizing, supply voltages, and
transistor thresholds.

11.9 Summary

In this chapter, we have studied the implementation of arithmetic datapath operators from a per-
formance, area, and power perspective. Special attention was devoted to the development of
Jirst-order performance models that allow for a fast analysis and comparison of various fogic
structures before diving into the tedious transistor-level optimizations.
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+ A datapath is best implemented in a bir-sliced fashion. A single layout slice is used repeti-
tively for every bit in the data word. This regutar approach eases the design effort and
resubs in fast and dense layouts.

s A ripple-carry adder has a performance that is lirearly proportional to the nomber of bits.
Circuit optimizations concentrate on reducing the delay of the carry path. A number of ci-
cuit topologies were examined, showing how careful optimization of the circuil topology
and the transistor sizes helps to reduce the capacitance on the carry bit.

« Other adder siructures use logic optimizations to increase the performance. The perfor-
mance of carry-bypass, carry-select and carry-lookahead adders depends on the number
of bits in square root and logarithmic fashion, respectively. This increase in performance
comes at a cost In avea, however.

+ A multiplier is nothing more than a coliection of cascaded adders. Its criticat path is far
more complex, and performance optimizations proceed along vastly different routes. The
carry—save technique relies on a logic manipulation to turn the adder array into a regular
structure with a well-defined critical timing path that can easily be optimized. Booth
recoding and partial product accurnulation in a tree reduces the complexity and delay of
iarger multipiiers.

= The performance and area of a programmable shifter are dominated by the wiring. The
exploitation of regularity can help to minimize the impact of the interconnect wires. This
is exempliified in the barrel and the logarithmic shifter structures.

* Power consumption can be reduced substantially by the proper choice of circuit, logical, or
architectural structure. This might come at the expense of area, but area might not be that
critical in the age of submicron devices.

+ A wide range of design-time and run-time techniques are at the disposition of a designer 1o
minimize the power consumption. At design time, power and delay can be traded off
through the choice of supply veltages and thresholds in addition to transistor sizing and
logic optimization. The use of paralielism and pipelining can help to redice the supply
voltage, while maintaining the same throughput. The effective capacitance can be reduced
by avoiding waste, as introduced by excessive multiplexing, for example.

» Some applications operate under variable throughput or latency conditions. Using vari-
able supplies and transistor thresholds can lower the active or leakage power in such sys-
tems. Minimization of the standby energy consumption is essential for portable battery-
operated devices.

11.10 To Probe Further

The lterature on arithmetic and computer elements is vast. Important sources for newer develop-
ments are the Proceedings of the IEEE Symposiunt on Computer Arithmetic, the IEEE Transac-
tions on Computers and the [EEE Jownal of Solid-State Circuits (for integrated circuit
implementation). An excellent collection of the most significant papers in the area cas be found
in some IEBE Press reprint volumes [Swartzlander90l. A number of other references, such as
[Omondi®4l, [KorendR8), and [Oklobdzijalil, are provided for further reading.
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DESIGN METHODOLOGY INSERT

Validation and Test
of Manufactured Circuits

Manufacturing fest
Design for testability

Test pattern generation

H.1 Introduction

While designers tend to spend nuomerous hours on the analysis, optimization, and Iayout of their
circuits, one issue is often overlooked: When a component returns from the manufacturing plant,
how does one know if it actually works? Does it meet the functionality and performance specifi-
cations? The customer expects a delivered component to perform as described in the specifica-
tion sheets. Once a part is shipped or deploved in a system, it is expensive to discover that it does
not work. The later a fault is detected, the higher the cost of correction. For instance, replacing a
component in a sold television set means replacement of a complete board as well as the cost of
labor, Shipping a nenworking or partially functional device should be avoided if at all possible.

A correct design does not guarantee that the manufactured component will be operational.
A number of manufacturing defects can occur during fabrication, either due to faults in the base
material {for instance, impurities in the silicon crystal), or as a result of variations in the process,
such as misalignment, Other faults might be introduced during the stress tests that are perfermed
after the manufacturing. These tesis expose a part to cycies of temperature and mechanical stress
to ensure its operation over a wide range of working conditions. Typical faults inciude short cir-
cuits between wires or layers and broken intercosnections. This translates into network nodes
that are either shorted to each cther or to the supply rails, or that may be foating.

721
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Making sure a delivered part is operating correctly under all possible input conditions is
not as simple as it would seem at a first glance. When analyzing the circuit behavior during the
design phase, the designer has unlimited access to all the nodes in the network. He is free to
apply input patterns and observe the resulting response af any node he desires. This is not the
case once the part is manufactured. The only access one has to the circuit is through the input-
gutput pins. A complex component such as a microprocessor is composed of tens o hundreds of
millions of transistors and containg an uncountable number of possible states. I is a very lengthy
process—if it is possible at all—to bring such a component into a particular state and to observe
the resulting circuit response through the Hmited bandwidth offered by the input-output pads.
Hardware testing equipment tends to be very expensive and every second a part spends in the
tester adds 1o 115 price.

It is therefore advisable to consider the testing early in the design process. Some small
modifications in a circuit can help make it sasier to validate the absence of faults. This approach
to design has been dubbed design for testability (DFT). While often despised by circuit design-
ers who prefer Lo concenirate on the exciting aspects of design, such as traasistor optimization,
DFT is an integral and important part of the design process and should be considered as early as
possible in the design flow. “If yore don’f test it, it won't work! { Guaranteed)” [Weste93]. A DFT
_ strategy contains two components:

1. Provide the necessary circaitry so that the test procedure can be swift and comprehensive.

2. Provide the necessary fest patterns {excitation vectors) to be employed during the test pro-
cedure. For reasons of cost, it is desirable that the test sequence be as short as possible
while covering the majority of possible faults.

In the subsequent sections, we briefly cover some of the most important issues in each of these
domains. Before doing so, a short description of a typical test procedure helps to put things in
perspective.

H.2 Test Procedure

Manufacturing tests fall into a number of categories depending upon the intended goal:

» The diagnostic test is used during the debugging of a chip or board and tries to accom-
plish the following: Given a failing part, identify and locate the offending fault.

« The functional test (also called go/io go test) determines whether or not a manufactured
component is functional. This problem is simpler than the diagnostic test since the only
answer expected is yes or no. As this test must be executed on every manufactured die and
has a direct impact on the cost, it should be as simpie and swift as possible.

* The parametric test checks on a number of nondiscrete parameters, such as noise mar-
ging, propagation deiays, and maximum clock frequencies, under a variety of working
conditions, such as temperature and supply voltage. This requires a different set-up from
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the functional tests that only deal with O and [ signals. Parametric tests generally are sub-
divided into static {dc) and dynamic {ac) tests.

A typical manufacturing test proceeds as follows. The predefined test patterns are Joaded
into the tester that provides excitations o the device under test (DUT) and collecis the corre-
sponding responses. The test paiterns are defined I a rest program that describes the waveforms
t¢ be applied, voliage levels, clock frequency, and expected response, A probe card, or DUT
board, is needed to connect the outputs and inputs of the tester to the corresponding pins on the
dig or package.

A new part is automatically fed into the tester. The tester executes the test program,
applies the sequence of input patterns to the DUT, and compares the obtained response with
the expected one, If differences are observed, the part is marked as fauity (e.g., with an ink
spot), and the prebes are automatically moved to the next die on the wafer, During the scrib-
ing process that divides the wafer into the individual dies, spotted parts will be automatically
discarded. For a packaged part, the tested component is removed from the test board and
placed in a good or faulty bin, depending upon the outcome of the test. The whole procedure
takes in the range of a few seconds per parf, making # possibie for a single tester to handle
thousands of parts in an hour.

Figure H-1 shows a picture of a high-end tester for logic circuits. Automatic testers are
very expensive pieces of equipment. The increasing performance requirements, imposed by the
high-speed ICs of today, have aggravated the situation, causing the cost of the test equipment to
skyroclet. Reducing the time that a die spends on the tester is the most effective way to reduce
the test eost. Unfortunately, with the increasing complexity of ICs, an opposite trend can be
ohserved. Design approaches to reduce the test burden are thus very desirable.

H.3 Design for Testability

H.3.1 Issues in Design for Testability

As mentioned, a high-speed tester that can adequately handle state-of-the-art components comes
at an astronomicai cost. Reducing the test time for a single component can heip increase the

Figure H-1 Automalic tester {Courtesy Shiumberger).
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Figure H-2 Combinational and sequential devices under test.

throughput of the tester, and has an important impact on the testing cost. By considering testing
from the early phases of the design process, it is pessible to simplify the whole validation pro-
cess. In this section, we describe some approaches that achieve that goal. Before detailing these
techniques, we should first understand some of the intricacies of the test problem.

Consider the combinational circuit block of Figure H-2a. The correctness of the circuit
can be validated by exhaustively applying all possible input patierns and observing the
responses. For an N-input circuit, this requires the application of 2% patterns. For N = 20, more
than | million patterns are needed. If the application and observation of a single pattern takes
1 usec, the total test of the module requires 1 sec. The situation gets more dramatic when con-
sidering the sequential module of Figure H-Zb. The output of the circuit depends not only upon
the inputs applied, but also upon the value of the state. To exhaustively test this finite state
machine (FSM) requires the application of 2*** input patterns, where M is the number of state
registers [Williams83, Weste93]. For a state machine of moderate size {e.g., M = 103, this
means that 1 billion patterns must be evaluated, which takes }6 minutes on our 1 psec/pattern
testing equipment, Modeling a modern microprocessor as a state machine translates into an
equivalent model with over 50 state registers. Exhaustive testing of such an engine would
require over a billion years!

Obviously, an altersative approach is required. A more feasible testing approach is based
on the following premises.

o An exhaustive enumeration of all possible input patterns contains a substantial amount of
redundancy; that is, a single fault in the circuit is covered by a number of input patterns.
Detection of that fauit requires only one of those patterns, while the other patterns are
superfinous.

« A substantial reduction in the number of patterns can be obtained by relaxing the condi-
tion that all faults must be detected. For instance, detecting the last single percentage of
possible faults might require an exorbitant number of extra patterns, and the cost of detect-
ing them might be larger than the eventual replacement cost. Typical test procedures only
attempt a 95-99% fault coverage.
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By eliminating redundancy and providing a reduced fault coverage, it is possible to test
most combinational legic blocks with z limited set of input vectors. This does not selve the
sequential problem, however. To test a given faclt in a state machine, it is not sufficient o apply
the correct input excitation; the engine must he brought to the desired state first. This requires
that a sequence of inputs be applied. Propagating the circuit response to one of the output pins
might reguire another sequence of patterns. In other words, testing for a single fault in an FSM
requires a sequence of vectors. Once again, this might make the process prohibitively expensive.

One way to address the problem is to turn the sequential network into a combinational one
by breaking the feedback loop in the course of the test. This is one of the key concepts behind
the scan-test methodology described later. Another approach is to let the circuit test itself. Such
1 test does not require external vectors and can proceed at a higher speed. The concept of self
fest will be discussed in more detail later. When considering the testability of designs, two prop-
erties are of foremost importance:

1. Controllability, which measures the ease of bringing a circuit node to a given condition
using oniy the input pins. A node is easily controllable if it can be brought to any condition
with only a single input vector. A node (or circuit} with low controllability needs a long
sequence of vectors to be brought to a desired state. It should be clear that a high degree of
controllability is desirable in testable designs.

. Observability, which measures the case of observing the value of a node at the output
pins. A node with a high observability can be monitored directly on the owput pins. A
nede with a low observability needs a pumber of cycles before its state appears on the out-
puts. Given the complexity of a circuit and the limited number of output pins, a testable
circuit should have a high observability. This is exactly the purpese of the test techniques
discussed in the sections that follow.

[

Combinational circuits fall under the class of easily observable and controllable circuits, since
any node can be controlled and observed in a single cycle.

Design-for-test approaches for the seguential modeles can be classified in three categories:
ad hoc test, scan-based test, and self-test.

H.3.2 Ad Hoc Testing

As suggested by the title, ad hoc testing combines a collection of tricks and technigues that can
be used to increase the observability and controllability of a design and that are generally
applied in an application-dependent fashion.

An example of such a technique is illustrated in Figore H-3a, which shows a simple pro-
cessor with ies data memory. Under normal configuration, the memory is only accessible
through the processor. Writing and reading a data value into and out of 2 single memory position
requires & number of clock cycles. The controflability and observability of the memory can be
dramatically improved by adding multiplexers on the daiz and address busses (Figure H-3b).
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(a) Design with low testability  (b) Adding a selestor improves testability
Figure H-3 Improving testability by inserting multipiexers.

During nermal operation mode, these selectors direct the memory ports to the processor. During
test, the data and address ports are connected directly to the I/O pins, and testing the memory
can proceed more efficiently. The example illustrates some important design-for-testability
* concepts.

* It is often worthwhile to introduce extra hardware that has no functionality except improv-
ing the testability. Designers are often willing to incur a small penalty in area and perfor-
mance if it makes the design substantially more observable or controllable.

+ Design-for-testability often means that extra I/0 pins must be provided besides the normal
functional /O pins. The test port in Figure H-3b is such an extra pin. To reduce the num-
ber of extra pads that would be required, one can multiplex test signals and functional sig-
nals on the same pads. For exampile, the I/0 bus in Figure H-3b serves as a data bus during
normal operation and provides and collects the test patterns during testing.

.

An extensive collection of ad hoc test approaches has been devised. Examples include the
partitioning of large state machines, addition of extra test points, provision of reset states, and
introduction of test busses. While very effective, the applicability of most of these techniques
depends upon the application and architecture at hand. Their insertion into a given design
requires expert knowledge and is difficult to automate, Structured and automatable approaches
are more desirable.

H.3.3 Scan-Based Test

QOne way to avoid the sequential-test problem is to tern all registers into externally loadable and
readable elements. This turns the circuit-under-test into a cornbinational entity. To control a
node, an appropriate vector is constructed, loaded into the registers and propagated through the
logic. The result of the excitation propagates to the registers and is latched, after which the con-
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Figure H-4 Serial-scan test.

tents are transferred to the external world. Connecting all the registers in a design to a test bus
regrettably introduces an unacceptable amount of overhead. A more elegant approach is offered
by the serial-scan approach illustrated in Figure H-4,

The registers have been modified to support two operation modes. In the normal mode,
they act as N-bit-wide clocked registers. During the test mode, the registers are chained together
as a single serial shift register. A test procedure now proceeds as follows.

I. An excitation vector for logic module A (and/or B) is entered through pin Scan/n and
shifted into the registers under control of a test clock.

2. The excitation is applied to the logic and propagates to the cuiput of the logic module. The
resull is latched inteo the regisiers by issuing a single system-clock evenl.

3. The result is shifted out of the circuit through pin ScanOuwt and compared with the
expected data. A new excitation vector can be entered simuitaneously.

This approach incurs only & minimal overhead. The serial nature of the scan chain reduces the
routing overhead. Traditional registers are easily modified 1o support the scan technique, as dem-
onstrated in Figure H-3, which shows a 4-bit register extended with a scan chain. The only addi-
tion is an extra multiplexer at the input. When Zest is low, the circuit is in normal operation

Iy Iny Iy fng
Test
ounin S L
cand canQut
sl BN —
Latch Latch

© o
Quty Cut, Outs Gty

Figure H-5 Register exiended with serial-scan chain.
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mode. Setting Tes? high selects the Scann input and connects the registers into the scan chain.
The output of the register Our connects to the fan-out logic, but also doubles as the ScarnOut pin
that connects 1o the Scanin of the neighboring register. The overhead in both area and perfor-
mance is small and can be limited to less than 5%.

Problem H.I Scan-Register Design

Modily the static, two-phase master-siave register of Figure 7-10 to support serial scan.

Figure H-6 depicts the timing sequence that would be employed for the circuit in
Figure H-4 under the assumption of a two-phase clocking approach. For a scan chain N registers
deep, the Test signal is raised, and N clock pulses are issued, loading the registers. Test is low-
ered, and a single clock sequence is issued, fatching the results from the combinational logic into
the registers under normal circuit-operation conditions. Finally, ¥V extra pulses (with Test = 1)
transfer the obtained result to the sutput. Note again that the scan-oul can overlap with the enter-
ing of the next vector.

Many variants of the serial-scan approach can be envisioned. A very popular one, which
was actually the pioneering approach, was introduced by IBM and is called level-sensitive scan
design (LSSD) [Eichelberger78}. The basic building block of the LSSD approach is the shift-
register latch (SRL) shown in Figure H-7. It consists of two latches L} and L2, the latter being

Test

P I S |
S

2 U R | S DO
Nceyeles I cycle A cyeles
scan-in evaluaiion scan-out

Figure H-6 Timing diagram of test-sequence. Nrepresents the number of registers
in the test chain.
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—— — SO
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Figure H-7 Shift-register latch.
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: t

Figure H-8 Pipelined datapath using partial scan. Only the
shaded registers are included in the chain.

QCat

COMP@RATOR
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present only for testing purposes. In normal circuit operation, signals D, & {Q), and C serve as
fatch input, outpat, and clock, The test clocks A and B are low in this mode. In scan mode, §7 and
SO serve as scan input and scan output. Clock C is low, and clocks A and B act as nonoverlap-
ping, two-phase test clocks.

The 1SS approach represents not only a test strategy, but also a complete clocking phi-
losophy. By strictly adhering to the rules implied by this methodology, it is possible (0 automate
to a large extent the test generation and the timing verification. This is why the use of LSSD was
cbligatory within IBM for 2 long time. The prime disadvaatage of the approach is the compiex-
ity of the SRL latch,

1t is not always necessary to make all the registers in the design scannable. Consider the
pipelined datapath of Figure H-8. The pipeline registers in this design are only present for per-
formance reasons and do not strictly add to the state of the circuit. It is, therefore, meaningfui to
make only the input and output registers scannable. During test generation, the adder and com-
parator ¢an be considered together as a single combinational block. The only difference is that
during the test execution, two cycles of the clocks are needed to propagate the effects of an exci-
tation vector to the output register. This approach is called parsial scan and is often emploved
when performance is of prime interest. The disadvantage is that deciding which registers to
make scannable is not always obvious and may reqguire interaction with the designer.

H.3.4 Boundary-Scan Design

Until recently, the test problem was most compelling at the integrated circuit level. Testing cir-
cuit boards was facilitated by the abundant availability of test points. The through-hole mounting
approach made every pin of a package observable at the back side of the board, For test, it was
sufficient to lower the board onto a set of test probes {called *bed-of-nails™) and apply and
observe the signals of interest. The picture changed with the introduction of advanced packaging
technigues such as surface-mount or multichip modules {Chapter 2). Controllability and observ-
ability are not as readily available anymore, because the number of probe points is dramatically
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Figure H-9 The boundary-scan approach to board testing.

reduced. This problem can be addressed by extending the scan-based test approach to the com-
ponent and board levels.

The resulting approach is called boundary scan and has been standardized to ensure com-
patibility between different vendors ([IEEE11491}. In essence, it connects the input-output pins
of the components on a board into a serial scan chain, as shown in Figure H-9. During normal
operation, the boundary-scan pads act as normal input-output devices. In test mode, vectors ¢an
be scanned in and out of the pads, providing controllability and observability at the boundary of
the components (hence, the name). The test operation proceeds along similar lines as described
in the previous paragraph. Various control modes atlow for testing the individual components as
well as the board interconnect. The overhead incurred includes slightly more complex input-out-
put pads and an extra on-chip test controller (an FSM with 16 states}. Boundary scan is now pro-
vided in most commodity components.

H.3.5 Built-in Self-Test {BIST)

An altemative and attractive approach to testability is having the circuit itself generate the test
patterns instead of requiring the application of external patierns [Wang86]. Even more appealing
is a technique where the circuit itself decides if the obtained results are correct. Depending upon
the nature of the circuit, this might require the addition of extra circuitry for the generation and
analysis of the patterns. Some of this hardware might already be available as part of the normal
operation, and the size overhead of the self-test can be small.

The general format of =z builtin self-test design is illustrated in Figare H-10
{([Kornegay92]). It contains a means for supplying test patterns to the device under test and a
means of comparing the device's response 1o a known correct seguence.

There are many ways (0 generate stimuli. Most widely used are the exfiaustive and the ran-
dom approaches. In the exhaustive approach, the test length is 2%, where N is the number of
inputs to the circuit, The exhaustive nature of the test means that all detectable faults will be
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{Sub}-circuit

Stimulus generator under Respouse analyzer
test

3

Test controller <

Figure H-1¢ General format of buil-in self-test structure.

detected, given the space of the available input signals. An N-bit counter is a good example of an
exhaustive pattern generator. For circuits with large values of &, the time 10 cvcle through the
complete input space might be prohibitive. An alternative approach is 1o use random testing that
implies the application of a randomly chosen sub-set of 2" possible input patterns. This subset
should be selected so that a reasonable fault coverage is obtained. An example of a pseudoran-
dom pattern generator is the lrear-feedback shift register (or LFSR}, which is shown in
Figure H-11. h consists of a serial connection of 1-bit registers. Some of the outputs are XORd
and fed back to the input of the shift register. An N-bit LFSR eycles through 2¥ — } states before
repeating the sequence, which produces a seemingly random pattern. Initialization of the regis-
ters to a given seed value (different from 0 for our example circuit) determines what will be
generated, subsequentiy.

The response analyzer could be implemented as a comparison between the generated
response and the expected response stored in an on-chip memaory, but this approach represents
wo much area overhead to be practical. A cheaper technique is to compress the responses before
comparing them. Storing the compressed response of the correct circuit requires only & minimal
amount of memory, especially when the compression ratio is high. The response analyzer then

=
e

Lo T e L ™ ]
L B sl R e B o]

Figure H-11 Three-bit linear-feedback shifi register
and its generated seguence.
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Figure H-12 Single bit-stream signature analysis.

consists of circuitry that dynamically compresses the output of the cireunit under test and a com-
parator. The compressed output is often called the signature of the circuit, and the overall
approach is dubbed signature analysis.

An example of a signature analyzer that compresses a single bit stream is shown n
Figure H-12. Inspection reveals that this circuit simply counts the number of ¢ — 1 and 1 - 0
transitions in the input stream. This compression does not guarantee that the recetved sequence
is the corzect one: that is, there are many different sequences with the same number of transi-
fions. Since the chances of this happening are slim, it may be a risk worth taking if kept within
bounds.

Another technique is illustrated in Pigure H-13a. It represents a modification of the linear-
feedback shift register and has the advantage that the same hardware can be used for both pattern
generation and signature analysis. Each incoming data word is successively XOR'd with the
contents of the LFSR. At the end of the test sequence, the LFSR contains the signature, or syn-
drome, of the data sequence, which can be compared with the syndrome of the correct circuit.
The circuit not only implements a random-pattern generator and signature analyzer, but also can
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By Ej @' '
B, ? 1 ' i
Scanin ~|x ScanCut
5 > & >— R | >— R
So 5 33

() A 3-bit BILBO register

By By | Operation mode

Scandn 5"—'“’;_0“!

1 1 | Normal T :_ -
H Scan A Lo =
. Combinational Combinational] Onr
10 P_attem generation of Logic Logic
signature analysis
4 1 | Reset -
{b} BILBO modes {c) BILBQ application

Figure H-13 Built-in logic block cbservation, or BILBO.
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Figure H-14 Memory self-{est.

be used as a4 normal register and scan register, depending on the values of the control signals By
and B, (Figure H-13b). This test approuach, which combines all the different technigues, is
known as built-in fogic block observation, or BILBO [Koeneman79). Figure H-13¢ illustrates the
typical use of BILBO. Using the scan option, the seed is shifted into the BILBO register A while
BILBG register B is initialized. Next, registers A and B are operated in the random patiern-gen-
eration and signature-analysis maodes, respectively. At the end of the test sequence, the signature
is read from B using the scan mode.

Finally, it is worth mentioning that self-test is extremely beneficial when testing regular
structures such as memories. It is not easy to ensure that a memory, which is a seguential circuit,
is fauit free. The task is complicated by the fact that the data value read from or written into a
cell can be influenced by the values stored in the neighboring cells because of cross coupling and
other parasitic effects. Memory tests, therefore, include the reading and writing of a number of
different patterns into and from the memory using alternating addressing sequences. Typical pat-
ierns can be all zeros or ones, or checkerboards of zeros and ones. Addressing schemes can
include the writing of the complete memory, foliowed by a complete read-out or various alter-
nating read-write sequences. With a minimai overhead compared with the size of 2 memory, this
test approach can be built into the integrated circuit itself, as illustrated in Figure H-14. This
approach significantly improves the testing time and minimizes the externz] control, Applying
self-test is bound to become more important with the increasing complexity of integrated com-
ponents and the growing popularity of embedded memories.

The advent of the systems-on-a-chip era does not make the test job any easier. A single IC may contain
micro- and signal processors, multiple embedded memories, ASIC modules, FPGAs amd on-chip busses
and networks. Each of these modules bas its own preferred way of being tesied, and combining these into a
coherent sirategy is quite a challenge. Built-in self-test is really the only way out. A structored test-method-
ology for systems-on-a-chip, based on BIST is shown is Figere H-15, Exch of the modules composing the
sysiem connects to the on-chip neiwaork through a "wrapper.” This is a customized interface between the
block and the network, supporting functions such as synchronization and commusnication. This wrapper can
be exiended to include a test support module. For instance, for an ASIC module that includes a scan chain,
the test support module provides the interface 1o the scan chain and a buffer for the st patterns. This buffer
can be directly written and read through the system bus, Similaly, o memory module can be equipped with
a pallern generator and signature analysis. All of this would stil] not suffice if there were no general test
orchestrator. Fortunately, most of these SOCs include a programmable processar which can be used at start-
up time ¢ direct the test and the verification of the other modules. Test patierns and signatures can be stored
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Figure H-15  System-on-a-chip test methodoiogy.

in the main memory of the processor, and supplied to the module under test at test tise. This approach has
the advantage that it uses the resources that are already available o1 the die. Furthermore, the BIST self-test
approach allows for Lhe tests 10 be performed under actual clock speeds, decreasing the test time. The
requirements for the external tester are minimized, reducing the tester cost. The development of a struc-
wred approach to self-test, as pictured in Figure H-13, is a topic of active research {KrsticOl] ;-3

H.4 Test-Pattern Generation

In the preceding sections, we have discussed how to modify a design so that test patterns can be
effectively applied. What we have ignored so far is the complex task of determining what pat-
terns should be applied so that a good fault coverage is obtained. This process was extremely
problematic in the past, when the test engineer—a different person than the designer—had to
construct the test vectors after the design was completed. This invariably required a substantial
amount of wasteful reverse engineering that could have been avoided if testing had been consid-
erad early in the design flow. An increased sensitivity to design for testability and the emergence
of automatic test-pattern generation (ATPG) has substantially changed this picture,

Iir this section, we delve somewhat deeper into the ATPG issue and present technigues to
evaluate the quality of a test sequence. Before doing se, we must analyze the fault concept in
more detatl.

H.4.1 Fauli Models

Manufacturing faults can be of a wide variety and manifest themselves as short circuits between
signals, shert circuits to the supply rails, and floating nodes. In order to evaluate the effective-
ness of a test approach and the concept of a good or bad circuit, we must relate these faults to the
circuit model, or, in other words, derive & faiff model. The most popular approach is called the
stuck-at model. Most testing tools consider only the short circuits to the supplies. These are
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Figure H~16 Resistive-load gale, annotated with a number of
stuck-at-open {B} and stuck-at-short {c, 4} faults.

calied the stuck-at-zero (sa0) and stuck-ai-one (sal) fanlts for short circuits to GND and V),
respectively.

It can be argued that the sa0-sal model does not cover the complete range of faults that
can occur in a state-of-the-art integrated circuit, and that sruck-ar-apen and sruck-ai-short faulis
should also be introduced. However, adding these faults complicates the test pattern generation
process. Moreover, a large number of these faults are covered by the saf-sal model. To illustrate
this observation, consider the resistive-load MOS gate of Figure H-16. All shorts to the supplies
are modeled by the introduction of sal} and sal fauits at nodes A, B, C, Z, and X. The figure has
been annotated with some stuck-at-open (B) and stuck-at-short faults (o, ¥). It can be observed
that these faults are already covered by the 520 and sal fauits on the various nodes. For example,
fault o is covered by A, [ is covered by A, or B¢, while vis equivalent to Z,,;.

Even so, shorts and open-circuit faults can cause some interesting artifacts to occur in
CMOS circuits that are not covered by the sall-sal mode! and are worth mentioning. Consider
the two-input NAND gate of Figure H-17, where a stuck-at-open fault ¢ has occurved. The truth
table of the faulty circuit is shown in the figure as well. For the combination (A = 1, B = 0}, the
cutput node is floating and retains its previous value, while the correct value should be a 1.
Depending upon the previous excitation vector, this fault may or may not be detected. In fact, the
circuit behaves as a sequential nerwork. To detect this fault, two vectors must be applied in
sequence. The first one forces the output to § (or A = | and B = 1}, while the second applies the
A =1, B=0 paitern. Also stuck-at-short faults are troublesome in CMOS circuits since they can
cause dc currents to flow between the supply rails for certain input values, which produces unde-
fined output voltages.

Even though the sal-sal fault model is not perfect, its ease of use and relatively large cov-
erage of the fault space have made it the de facto standard model. It is often supplemented with
other techniques, such as functional test, /DDQ tesi—which measures the change in quiescent
cuirent of a CMQS circuit due to short circuits—and delay test, No single test model is com-
pletely foolproot, and a combination of several testing methods is often required [BhavsarQ1].
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Figure H-17 Two-input complementary CMOS NAND gate and its
truth table in the presence of a stuck-at-open faull.

H.4.2 Automatic Test-Pattern Generation (ATPG)

The task of the automatic test-pattern generation (ATPG) process is to determine a minimum set
of excitation vectors that cover a sufficient portion of the fault set as defined by the adopted fault
model. One possible approach is to start from a random set of test paiterns. Fault simulation then
determines how many of the potential faults are detected. With the obtained results as guidance,
extra vectors can be added or removed iteratively. An alternative and potentially more attractive
approach relies on the knowledge of the functionality of a Boolean network to derive a suitable
test vector for a given fault. To illustrate the concept, consider the exampie of Figure H-18. The
goal is to determine the input excitation that exposes an sa0 fault occurring at node U at the out-
put of the network Z. The first requirement of such an excitation is that it should force the fault
10 oceur {controflability, again). In this case, we look for a pattern that would set U to 1 under
normal circumstances. The only option here is A = I and B = 1. Next, the faulty signal has to
propagate to output node Z, so that it can be observed. This phase is called path sensitizing. For
any change in node U to propagate, it is necessary for node X to be setto 1 and node Eto (. The
{unique) test vector for U, can now be assembled: A=B=C=D=1 £=0

B - '%z v ;
o
D — X |

E 1

Figure M-18  Simple logic network, with sa0 fault at node U
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This example is extremely simple, and the derivation of & minimum test-vector set for
more complex circuits is substantially more complex. A number of excellent approaches o
address this problem have been developed. Landmark efforts in this domain are the D [Roth66]
and PODEM algorithms [Goel81], which underlie many cwirent ATPG tools. It suffices to say
that ATPG is currently in the mainstream of design automation, and powerful tools are available
from many veadors.

H.4.3 Fault Simulation

A fault simulator measures the quality of a test program. It determines the fault coverage, which
15 defined as the total number of faults detected by the test sequence divided by two times the
number of nodes in the network—each node can give rise to an sa0 and sal fault. Naturally, the
obtained coverage number is only as good as the fault model employed. In an sa0-sal model,
some of the bridge and short faulis are not covered and will not appear in the coverage statistics.

The most commen approach to fault simulation is the parallel fault-simulation technique,
in which the correct circuit is simulated concurrently with a number of faulty ones, each of
which has a single fault injected. The results are compared, and a fanlt is labeled as detected for
a given test vector set if the outputs diverge. This description is overly simplistic, and most sim-
ulators employ a number of techniques, such as selecting the faults with a higher chance of
detection first, to expedite the simulation process. Hardware fault- simulation accelerators, based
on parallel processing and providing a substantial speedup over pure software-based simulators,
are available as well [Agrawal88, pp. 159-240}.

H.5 To Probe Further

For an in-depth treatment of the Design-for-Testability topic, please refer to [Agrawal88] and
[Abramovic91]. A great overview of the testing challenges and solutions for high-performance
microprocessors can be found in [BhavsarQ1],
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