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Fig. 9. Incremental gain and Ry for various other padding conditions.

Thus for a 50-Q input, this optimal solution occurs at [; =
1.51z0 387.75 pAP and Rp = 33.33 €. In practice,
slightly higher bias levels will result in a useful improvement
in large-signal linearity.

Fig. 9 shows the incremental Ry for Iz 390 pAP
(Rp = 34 Q) and 430 pAP (Rp = 40 Q) over the range
—250 mV < Vgegny < +250 mV, which for a sinusoidal
input would correspond to a loaded input power of —8 dBm;
the previous result is also shown for comparison. The small-
signal linearity is near-optimal using Iz = 390 uAP, while
it remains flatter over more of this input range when using
Iz = 430 pAP (maximum deviation of +2.5 2). Note that
the incremental gain follows a predictable inverse relationship
to the sum of Rs and Ryy. For Iz = 430 pAP, it varies by
0.22 dB over this input range, and by only 0.003 dB over
=50 mV < Vgpny < 450 mV for Iz = 390 pAP.

The harmonic signature for Iy = 390 pAP is shown in
Fig. 10. Again there is no 1 dB gain compression point;
instead, the gain increases to +1.2 dB at +15 dBm and is
0.57 dB high at 0 dBm. The Hj is extremely low, being
—98 dBc at —22 dBm, resulting in a PHz of +27 dBm. An
unwelcome artifact of this response is that over the signal
range —22 dBm to +7.5 dBm the H; now lies above the
extrapolated line. Fig. 11 shows the results for Iz = 430 pAP.
The fundamental output is even more constant, dropping
by only —0.12 dB at —9 dBm and rising to +0.63 dB
at +15 dBm. The Hj remains very low, now —78 dBc at
—30 dBm, resulting in a PH3 of +9 dBm. Furthermore, now
both the Ha (not shown) and Hjz always remain below the
extrapolations, and the Hj is notably lower than for the last
case at high signal levels, being only —42 dBc at an input
power of +15 dBm.
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Numerous simulation studies have been carried out
explore the intermodulation properties of this cell using a tw:
tone test input. Using the “optimal” bias of 390 pAP, tesl
tones of 320 MHz and 340 MHz and a transistor with a TF
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tesistors for Ry, and collector shot noise, but excluding base
resistance or base shot noise, is

Ex ={1 + g(l —expé) + %(1 — exp 26—4)}

x 1.44 nV//Hz (18)

where & = (Iz—1Iz0)/Iz0. The value is within £0.02 nV/\/Hz
for all bias currents above [zg.

H. The Tee-Padded MICROMIXER

A further refinement to the design results when the padding
scheme just described is augmented with a series-connected
input resistor. The left-hand side of Fig. 12 shows this simple
modification. The addition of Rz alters the required value of
/i ;. Having chosen Rz, considerable latitude remains in the
hoice of Iz. Thus, the optimization space is rather large. The
cuscode Q4 is added to equalize the Vg of Q2 and Q3; it also
reduces the amount of LO voltage appearing at the emitters
of QM3 and QM4 that couples back to the input. In practice,
however, the incidental inequality of Vg may help to recover
some of the current gain in the mirror lost by reason of its
finite ac beta, and the cascode may be contraindicated.

The approach used in studying this circuit has been to
choose combinations that result in a null in the derivative
00 /0Vgex at Vgex = 0, that is, in flat gain versus in-
stantaneous input voltage for small signals. Table I lists some

combinations and various performance criteria. In all cases
an input match to 50 € (and thus a 0-dB relative gain) at
Vgen = 0 is provided. The I12P3 was determined for test
signals of 320 MHz and 340 MHz, each of either —30 dBm
(10 mV at the RF input) or —10 dBm (£100 mV), in this
particular case using a transistor having an effective fr of
16 GHz.

From the point of view of realizability and robustness,
we are especially interested in solutions resulting in resistor
combinations that are integer multiples of a unit element. One
in particular stands out, namely, Iz = 647 uAP, Rz = Rp =
20 €. For this case, Ry varies from 50 € at Vggy = 0 and
falls only slightly to 49.9 Q at Vg = 2200 mV (Vgp =
4100 mV); the gain theoretically varies by only 0.008 dB.
This points toward very linear performance as a mixer, as
evidenced by the excellent two-tone (320/340 MHz) results.
The noise figure in SSB full-mixing mode is a moderate
11.25 dB.

A practical biasing system is also shown on the right of
Fig. 12. It is based on an all-NPN delta-Vgg (PTAT) cell [7]
tightly integrated into the RF stage, resulting in precise biasing.
In an optimal realization, all resistors would be thin-film,
having good absolute accuracy and near-zero temperature-
coefficient, for excellent control of Ryy. The core of this cell is
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Fig. 13. L-band mixer using inductive degeneration.

QB7, OBS8. and RB5. Loads RB3 and RB4 are equal. The dual-
loop amplifier establishes o7 = Ics = (Vrlog N)/Rps. The
current-density in QB8 is replicated in QZ2, and becomes M
times larger in Q1-Q4. Thus, Rix = Rz +{Rp;/M log(N)+
Rp}/2. The PNP transistors QB2-QB4 provide a cell-enable
feature. They are entirely noncritical, operating at low currents,
and may be lateral devices; they may be optionally replaced
by resistors if the enable feature is not required.

Many subtle design issues remain. For example, we have
noted the importance of cancellation of the individual non-
linearities of the two output currents /; and I3, but not yet
addressed the effect of the finite ac beta (which is often
very low, being roughly f/fr), particularly in the current
mirror section. This is addressed in the circuit shown in
Fig. 12 by the inclusion of the resistor K3 in the base of
Q2, whose theoretical value should be 2V /1. This restores
the overall unity ratio of the mirror, while it also slightly
raises the input impedance of the mirror section, particularly
at high frequencies, which has the further useful effect of
compensating for the finite alpha of Q1. However, there
is a significant noise penalty, and a lower value may be
necessary to achieve a compromise between a reduction of
beta-sensitivity and the increase in noise.

C. Microwave Variants

The use of monolithic inductors in place of the degeneration
resistors Ry is clearly a useful alternative in microwave
applications, A low @ is not a disadvantage here. Using
typical metallization technologies, the series resistance is of
the order of 1 Q per nanohenry. Thus, the inductive reac-
tance and resistance have the same magnitude at a frequency
which is the solution of the equation 2r fa (nH) = 2 (),
o 160 MHz. Accordingly, these components remain
essentially inductive above about 1 GHz. Note in passing that
the metallization resistance is roughly PTAT, so the Johnson

o~
~
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noise increases in direct proportion to temperature, not as
square root,

The component values shown in Fig. 13 provide a purely
resistive input impedance of 50  at 1.6 GHz, for the optis
mum bias current of 1.18 mAP, at which current-density
transistors used in these experiments exhibit an f; of about 18
GHz. In this bias scheme the current in Q2 is set up by using i
as the current-sensor in the loop enclosing the delta-Viy cell,
QB2-QB3. This method eliminates the effect of the inductor
resistance. An RF filter (2 kQ/10 pF) and beta compensation
(the 8 k{2 in the base of QB3) are included, The bias loop
needs special attention to HF compensation. This bias system!
can operate at supply voltages of under 2.5 V.

Slight compression is evident in the harmonic signatu e
(Fig. 14): the fundamental dips to —0.93 dB at an input
of about —2 dBm before rising again. The input-referred
single-tone third-order intercept is at +10.2 dBm, and th
noise-spectral-density is 1.22 nV/\/Hz for an amplifier-mod
noise-figure of 2.6 dB.

Precise linearity matching of the separate sections handling
the positive and negative input excursions will always be a
critical factor in any Class-AB RF structure. It will be obvious
that two of these RF stages may be combined in a differential
manner to effect further improvement in linearity throughj
a cancellation process based on symmetry and component
matching. The input impedance—now measured between the.
two “floating” input nodes—may be readjusted to any desired
value; the input port must now be driven differentially, typ-
ically using a balun. Both the noise spectral density and the
signal handling capacity will increase. Further considerations
relate to embedding this cell into an integrated circuit package,
which brings with it numerous important complications arising
from lead inductances and their mutual coupling, and the
many parasitic capacitances associated with the input path,
including those due to ESD devices. These and other issues lie

3

C



PR MICROMIXER

Oy
|
0 \:I!il \ /
0.0dB— = \-\ /
\ |
<
0.0dB et
20 T ah
& | | e
| ] |
o b
"0 — oo —
w = § IA.--" 3
30 T
-40 B — 1
| P o
S0 T
80 | BT
1 -~
70 | —s
] P
80 |
- |
<80 t - =
-t |
00—
. |
110§ i
1 |
M= T T 3 70
DBM

|l 14. Harmonic signature for the L-band variant (/; = 1.18 mA). Top
punel; gain error of fundamental; bottom panel: fundamental, actual HD3,
il extrapolation.

lieyond the primary objective of this paper, which has been to
uutline the general conceptual and theoretical framework of the
MICROMIXER and point to some new areas for development.

V. CONCLUSION

The MICROMIXER topology provides an accurate input
Impedance, high intermodulation intercepts, and an almost
unlimited signal capacity at its input, arising from the use
ul a Class-AB topology, while maintaining acceptable noise
performance. This paper has provided a brief overview of its
potential. The results are based largely on simple models of
the devices, in order to better compare the variants on a similar
basis, without the coloration introduced by complex dynamic
¢llects, and as an aid to the development of insights leading to
improved topologies. It is clear that if the fundamentals are not
right, there is little benefit in proceeding to the later steps of
ndding the greater realism captured in the full transistor model.

Nonetheless, for modern low-inertia transistors (that is, hav-
ing few-picosecond transit times and few-femtofarad capaci-
tances) operating at sensible bias currents, the “low frequency”
predictions are reliable out to many hundreds of megahertz
and still useful as a comparative tool in the microwave
range. In practice, package parasitics, biasing-current errors,
and instrumentation issues will have a much greater impact
on determining mixer performance at microwave frequencies,
provided that due care is taken in the design and layout of the
monolithic circuit.

1423

The MICROMIXER is not a panacea. More recent develop-
ments in active mixers—along quite different lines—provide
considerably lower noise figures while still maintaining excel-
lent linearity and variable gain, to be reported at a future time.
Its chief attraction lies in the very high intercepts that can be
achieved, making the topology of potential value in transmit
modulators and other high-level applications. However, at mi-
crowave frequencies the use of on-chip inductive degeneration
allows these benefits to be preserved while lowering the noise
figure back into a range appropriate for receiver applications.
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Understanding Phase Error and Jitter: Definitions,
Implications, Simulations, and Measurement

Tan Galton

, Fellow, IEEE, and Colin Weltin-Wu, Member, IEEE

(Invited Paper)

Abstract— Precision oscillators are ubiquitous in modern elec-
tronic systems, and their accuracy often limits the performance
of such systems. Hence, a deep understanding of how oscillator
performance is quantified, simulated, and measured, and how
it affects the system performance is essential for designers.
Unfortunately, the necessary information is spread thinly across
the published literature and textbooks with widely varying
notations and some critical disconnects. This paper addresses this
problem by presenting a comprehensive one-stop explanation of
how oscillator error is quantified, simulated, and measured in
practice, and the effects of oscillator error in typical oscillator
applications.

Index Terms—Oscillator phase error, phase noise, jitter,
frequency stability, Allan variance, frequency synthesizer, crystal,
phase-locked loop (PLL).

I. INTRODUCTION

LECTRONIC oscillators are in nearly all electronic

devices. They make it possible to modulate and demod-
ulate wireless signals, clock both digital and sampled-data
analog circuits, and measure time intervals. Moreover, they are
astonishingly precise. For example, present-day mobile tele-
phone transceivers incorporate several highly-tunable multi-
GHz oscillators whose output signals have integrated jitter of
less than a few hundred femtoseconds. Nevertheless, oscillator
precision is often a limiting factor in high-performance appli-
cations such as modern wireless and wireline communications,
radar, and high-speed digital circuits. Accordingly, it is critical
for engineers to understand how oscillator performance is
quantified, simulated, and measured, and how oscillator error
affects application performance.

Unfortunately, acquiring this knowledge is not easy. The
information is spread thinly across the published literature,
and there are fundamental disconnects between much of the
published information and actual practice. One disconnect
is that most textbooks and papers define oscillator error
in terms of sinusoidal oscillator signals, but most practical
circuits use squared-up versions of such oscillator signals
that approximate square waves. A related disconnect is that
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most communication textbooks define a mixer as performing
multiplication by a sinusoidal oscillator signal whereas most
practical mixer circuits perform multiplication by squared-up
oscillator signals. Fundamental questions typically are left
unanswered such as: How does the squaring-up process change
the oscillator error? How does multiplying by a squared-up
oscillator signal instead of a sinusoidal signal change a mixer’s
behavior and response to oscillator error?

Another obstacle to learning the material is that there are
three distinct oscillator error metrics in common use: phase
error, jitter, and frequency stability. Each metric offers advan-
tages in certain applications, so it is important to understand
how they relate to each other, yet with the exception of [1],
the authors are not aware of prior publications that provide
this information directly.

The goal of this tutorial is to comprehensively and sys-
tematically present this information. There are many publica-
tions that describe and model the circuit-level mechanisms of
oscillator error, e.g., [2]-[9], so this material is not covered
here. Instead, the paper describes how to evaluate, simulate,
and measure oscillator error, and the system-level effects of
oscillator error in typical circuit applications.

II. PHASE ERROR
A. Sinusoidal Oscillator Signal Model

Oscillator accuracy is critical in so many electronics applica-
tions that the recommended quantities with which to quantify
it have been specified in an IEEE standard [10]. As with most
other papers and textbooks that touch on the subject, the IEEE
standard starts from the premise that an ideal oscillator is
purely sinusoidal. It expresses the instantaneous output of a
non-ideal oscillator as

v(t) = [Vo + e(®)]sin (wot + ¢ (1)), (D

where V) is the nominal peak amplitude, () is the amplitude
error, o is the nominal frequency, and ¢(¢) is the phase
error. The amplitude error represents the oscillator’s deviation
from the nominal amplitude, and the phase error represents the
oscillator’s deviation from the ideal phase, wpt. It is assumed
that |e(r)] < Vp for all r and wot + ¢(f) monotonically
increases with 7, which are reasonable assumptions given
that the purpose of the model is to characterize precision
oscillators.

The oscillator signal’s zero-crossing times, i.e., the values of
t for which v(¢t) = 0, are of particular importance. Throughout
this paper, the zero-crossing times are denoted as f, and
ordered such that #, > t,_; for all integers n, so #, is an
increasing sequence that comprises all values of ¢ at which

1549-8328 © 2018 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
See http://www.ieee.org/publications_standards/publications/rights/index.html for more information.
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v(t) = 0. It follows from (1) and the |e(¢)| < Vj assumption
that, for each integer n,

¢ (ty) = mn — awoty. 2)

Samples of the phase error at the zero-crossing times,
i.e., ¢(t,) for every integer n, can be measured directly from
v(z) by substituting the nth time at which v(¢) crosses zero
into (2). In this sense, the ¢ (z,) values are uniquely determined
by v(¢).

However, ¢ () is not uniquely determined by v (¢) for values
of ¢ that are not zero-crossing times, because at such times
there are an infinite number of £(¢) and ¢(¢) functions that
yield the same value of v(¢). This can be verified by observing
that whenever t # f,, the right side of (1) can be written as
[Vo + €1(t)] sin(wot + ¢1(t)), where

sin (wot + ¢ (1)) B
sin (wot + @1 (1))

and ¢ () is any function for which wot 4+ ¢(¢) is not an
integer multiple of 7.

Furthermore, ¢(¢) is not uniquely determined by o(r) for
any value of ¢. This follows directly from the argument above
for each ¢ that is not a zero-crossing time. For each ¢ that is a
zero-crossing time, it follows because the sine function in (1)
evaluates to zero, so ¢(z) can take on any value.

These ambiguities generally make it impossible to separate
the effects of ¢(¢) from those of &(¢) on the performance of
a circuit driven by o(#). Yet it is often the case in practice
that the effects of &(z) on circuits driven by oscillators are
negligible compared to those of ¢(z). One reason is that the
mean squared value of &(¢) is often very small for practical
oscillators. Another reason is that typical circuits driven by
oscillators only change state when () is relatively close to
zero where the magnitude of the sinusoid in (1) is small, so it
attenuates the effect of (). In such cases, ¢(r) represents the
oscillator’s only significant non-ideal behavior, so the above-
mentioned ambiguities are avoided.

el(t) = [Vo+e@)] 3

B. Squared-Up Oscillator Signal Model

Oscillator signals that switch as abruptly as possible
between £V( at each zero-crossing are often used instead
of the sinusoidal oscillator signal given by (1). Such oscil-
lator signals are sometimes generated by amplifying and
clipping sinusoidal oscillator signals, so they are often called
squared-up oscillator signals. Squared-up oscillator signals are
widely used in practice, because, as described shortly, they
offer practical benefits when used to drive circuits that are only
sensitive to the oscillator signals near their zero-crossings.

In analogy with (1), a squared-up oscillator signal can be
modelled as

o(t) = [Vo +e@)]r (wot + ¢(1)), 4)

where r(0) is a 2z -periodic function which is as close as
possible to a unit square wave given by

1, ifsin(d) > 0,
Fideat (@) = 10,  ifsin (6) =0, (5)

—1, ifsin(@) <O0.
Thus, ¢(t,) is still given by (2). In cases where the squared-
up oscillator signal is obtained by amplifying and clipping a
sinusoidal oscillator signal, the ¢(f) and &(r) associated with

—Vy--

Fig. 1. Superimposed squared-up oscillator signals with and without
amplitude noise.

the squared-up oscillator signal are generally different from
those associated with the sinusoidal oscillator signal. However,
to the extent that the amplifying and clipping circuitry has
negligible noise and input offset voltage, the zero-crossing
times, t,, and the phase error sampled at the zero-crossing
times, ¢(t,), are not altered by the squaring up process.

It is convenient to rewrite the squared-up oscillator signal
model as

o(t) = Vor (wot + ¢ (1)) + e(2), (6)

which is equivalent to (4) when e(r) = &(t)r(wot + ¢(¢)) but
emphasizes that ¢(r) can be viewed as a type of additive error.
Practical oscillator circuits typically introduce other types of
additive error as well, and error introduced by the circuits they
drive often can be modeled as input-referred error added to the
oscillator signal. Therefore, e(¢) is more realistically modelled
as e(t) = e(®)r(wot + ¢ (1)) +eq(t), where eq(¢) is all additive
error other than &(t)r(wot + ¢ (t)).

To the extent that (@) approximates (5), v(¢) is only near
zero at its zero-crossing times, a consequence of which is that
e(t) only has a significant effect on the oscillator signal when
the magnitude of v(¢) is large. This phenomenon is illustrated
in Fig. 1, wherein the oscillator signal was generated by (6)
with an r(@) that well-approximates (5). Two versions of the
waveform are superimposed: an ideal version in which e(r)
is zero, and a non-ideal version in which e(¢) is a noise
waveform. The two waveforms are nearly identical except
when their magnitudes are much greater than zero. If such
an oscillator signal drives a circuit that is insensitive to the
oscillator signal when its magnitude is far from zero, e(¢) has
little effect on the circuit’s behavior.

The common practice of using squared-up oscillator signals
to drive such circuits renders even relatively strong amplitude
and additive error negligible in terms of circuit performance.
Nevertheless, as described in Sections VI and VII, care must be
taken to prevent e(t) from corrupting phase error simulations
and laboratory measurements.

Unlike e(r), phase error cannot be neglected in practical
circuits. However, as explained shortly, it is not the phase
error waveform itself, but the phase error sampled at times
ty, i.e., ¢ (t,), that matters, and this sampling process leads to
several practical issues because of aliasing.

C. Reconciliation of the Two Oscillator Signal Models

For the reasons described above, it is neither common, nor
desirable in many cases, for oscillator signals to be sinusoidal
in practical circuits. Yet the official IEEE definition and most
communication system textbooks describe oscillator signals as
sinusoidal. As shown in this subsection, these two viewpoints
can be reconciled to an extent by observing that the sinusoidal
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0 A =

wg 3w, Swg

Fig. 2. Power spectrum of the first three terms of the squared-up oscillator
signal given by (8).

and squared-up oscillator signal models often have nearly
equivalent spectra for frequencies from 0 to well above wy.

Given that (@) in (6) is a 2z -periodic real function, it can
be expressed as a Fourier series. Substituting the Fourier series
representation of (@) into (6) yields

0(t) = Vo 3 pusin (et +n(0) +6p) +e(r), (D)
n=0

where p, and 6, are constants that depend on the Fourier
series coefficients. For the case where r(6) = rigear(0), (7)
reduces to

o0

v(t):;Vo > %sin(nwot—l—ngb(t))—i-e(t). (8)

n=1,3,5,...

Except for the 4/z constant scale factor, the n = 1 term of (8)
is identical to the right side of (1) in the absence of amplitude
error. The remaining terms are therefore the only significant
differences between the sinusoidal and squared-up oscillator
signal models in this case.

The nth term of (8) for n > 1 is a sinusoid with phase
modulation n¢(t), so Carson’s rule suggests that its bandwidth
is approximately n times larger than that of the first term [11].
However, the power spectrum of the nth term is centered
n times further away from zero than that of the first term.
Furthermore, its power is 1/n? times that of the first term.
Consequently, it is reasonable to expect that the terms in (8) for
n > 1 are negligible at frequencies from 0 to well above wy,
as illustrated conceptually in Fig. 2.

This phenomenon is particularly relevant to frequency trans-
lation via mixers in communication systems. The classic
communication system textbook definition of a mixer is a
circuit that multiplies an input signal by a sinusoidal oscillator
signal and filters the result. An example of such a mixer
that translates the center frequency of a bandpass signal from
a non-zero frequency, wi, to another non-zero frequency,
| — wp, is shown in Fig. 3.

In most practical situations, the sinusoidal oscillator signal
in the communication system textbook version of a mixer
could be replaced by a squared-up oscillator signal without
significantly changing the output of the mixer. For example,
consider the mixer of Fig. 3 except with the sinusoidal
oscillator signal replaced by a squared-up oscillator signal. It is
straightforward to verify that each of the n > 1 terms in (8)
contribute signal components that lie outside the passband of
the filter provided the bandwidths of the mixer’s input signal
and bandpass filter are sufficiently narrow. In this case, only
the n = 1 term in (8) significantly affects the output of the
mixer, and this term is identical to the sinusoidal oscillator

Bandpass Filter
:[: center freq. = w1— w,
[V, +e@)]sin(ayt +¢())

Fig. 3. Communication system textbook version of a mixer with the addition
of oscillator phase and amplitude error.

signal model in the absence of amplitude error except for a
scale factor of 4/z."

This behavioral equivalence between sinusoidal and
squared-up oscillator signals in mixers provides some rationale
for the persistence of the sinusoidal oscillator signal model
despite the widespread use of squared-up oscillator signals.
Mixers are of great importance in communication systems so
they are taught early at the undergraduate level, and it is easier
to explain the basic operation of communication system text-
book style mixers with sinusoidal oscillator signals than with
squared-up oscillator signals. Mixers of one type or another
have been in use for over a century [13], [14], and for the first
several decades they were the primary application of oscilla-
tors. Moreover, early mixers did approximate multiplication
by sinusoidal oscillator signals, and this remains so in very
high-frequency (e.g., millimeter wave) applications wherein
parasitic capacitances and other electronic device nonidealities
make squared-up oscillator signals impractical.

Nevertheless, as described in more detail below, the ratio-
nale breaks down somewhat with typical present-day mixers.
Furthermore, in other oscillator applications, such as sampling
and clocking, the sinusoidal oscillator model is not particularly
useful. These applications use the zero-crossing times of
oscillator signals to initiate specific events, so there is no
benefit to thinking of the oscillator signals as being sinusoidal
in such cases.

D. Circuit Applications of Oscillators

This subsection describes the types of analog and mixed-
signal circuits commonly driven by oscillators. A comprehen-
sive description of this subject could easily fill a textbook,
so it is far beyond the scope of this paper. Instead, the goal
is to provide qualitative descriptions that explain the practical
reasons which underlie the statements made above regarding
squared-up oscillator signals and why the circuits driven by
them usually are insensitive to e(f).

1) Mixers: As described in Section II-C, communication
system textbooks describe mixers as ideal multipliers followed
by filters. In contrast, circuit design textbooks typically con-
sider just the multiplier to be the mixer. Filtering is always
performed following the multiplier, but it is not considered by
most circuit designers to be part of the mixing operation.

Practical mixers do not implement true multiplication.
Instead, as depicted in Fig. 4 a practical mixer usually can
be modelled as a device that multiplies the input signal,
x(t), by a strongly nonlinearly distorted and limited version
of the oscillator signal, i.e., f(v(¢)). The nonlinearity, f(v),
is monotonic and is limited in the sense that f(v) = 1 when
v > Vsy and f(v) = —1 when v < V_, where V4 and V_

fAn exception occurs if the mixer input has unwanted signal components
at o] — kwg, for any k = 3,5, ..., in which case the unwanted components
corrupt the desired component in the mixer’s output. A harmonic rejection
mixer that consists of multiple conventional mixers with squared-up oscillator
signals of different phases can be used to avoid this problem if necessary [12].
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Fig. 4. Model of a practical mixer with an example that demonstrates how
f(v) suppresses the squared-up oscillator signal’s e(r) error.

Vs + V()

T
e

Vs +v(£)~

x(t)< m % >y(t)

Fig. 5. Simplified diagram of a passive mixer circuit.
denote the approximate values of » where f(v) saturates at
1 and —1, respectively. The limiting causes the mixer to be
nearly insensitive to v(t) when v(r) < Vs_ or v(t) > Viy.
Suppose v(t) is the squared-up oscillator signal given by (6)
with an r (@) that well-approximates r;g4.q:(6), and Vj is large
enough that Vop+e(t) > Vi4 and —Vy+e(r) < V,_. In this case
v(t) is nearly independent of e() when V,_ < v(f) < Vit
for the reasons described in Section II-B. While o(r) does
depend on e(f) when v(t) < Vi_ or v(t) > Vyy, these
are the regions over which the mixer is insensitive to ().
Consequently, the mixer output is insensitive to e(¢) for all
values of »(f). Given that the oscillator signal is only in the
range Vs— < o(f) < Vg4 very near the oscillator signal’s
zero-crossing times, the mixer output is also insensitive to
the nonlinearity imposed by f(v). It follows that under these
circumstances the behavior of the mixer is nearly identical to
that of an ideal multiplier with the important and beneficial
exception that it practically ignores e(r). Specifically, the
mixer’s output under these circumstances well approximates

Y0 = sin oot -+ $0) x(0). ©

A practical example of such a mixer is shown in Fig. 5.
The figure shows the general structure of a MOS transistor
based mixer of the type currently used in mobile telephone
receivers [15], [16]. The mixer consists of a differential voltage
to current (V/I) converter, four MOS transistors controlled by
the oscillator signal, and a differential current-to-voltage (1/V)
converter.

Each of the four transistor gates is driven by Vpjas+0v(¢) or
Viias —o(t), where Vs is a constant bias voltage and v(z)
is the squared-up oscillator signal. The circuit is designed such
that the four transistors approximate switches which connect
the differential outputs of the V /I converter to the differential
inputs of the 7/V converter directly when v (¢) is sufficiently
greater than zero and with swapped polarity when o(?) is
sufficiently less than zero.

Although the on-resistances of the transistors are never zero,
the low differential input impedance of the I/V converter
combined with the much higher differential output impedance

T 0
x(@)  Vus—w(1) >y(t)
i s

Fig. 6. Simplified diagram of an ADC’s sampling circuit.

of the V /I converter causes the mixer’s behavior to be fairly
insensitive to non-zero transistor on-resistance. In this context,
Vs— and Vi4 are voltage levels such that v(f) < V,_ and
v(t) > Vy4 are the ranges of v(r) over which the on-resistance
of the transistors is sufficiently low to negligibly affect mixer
performance. By design, the value of Vpras is chosen to
cause Vi, = —V4 and Vj is chosen large enough to ensure
Vo+e(t) > Viy and —Vy+e(r) < V,_ for all ¢, so the mixer
is insensitive to e(¢) for the reasons described above.

2) Oscillators as Clocks in Non-Mixer Applications:
In most other applications, the oscillator signal is used as a
clock to mark a set of times, 7, forn =...,—1,0,1,2, ...,
that are as close to being uniformly spaced as possible.
The zero-crossing times of a squared-up oscillator are ideal
for this purpose. Typically, only the positive-going zero-
crossings or only the negative-going zero-crossings are used to
mark 7, in any given application, so the oscillator signal’s duty
cycle can deviate from 50% without causing timing errors.
In the following, without loss of generality 7, is taken to be the
nth positive-going zero-crossing time of the oscillator signal.

Ideally, 7, = nTy, where To = 27z /wp is the oscillator
signal’s nominal period, but oscillator phase error causes
deviations from this ideal. It follows from (2) that 7, = t», =
[27n — ¢ (t2n)]/wo. This can be rewritten as

@ ()

wy
Thus, Az, is the deviation of 7, from its ideal value of nTy,
and it is proportional to the oscillator signal’s phase error
sampled at 7,. It is often called absolute jitter or aperture
Jjitter and it is described further in Section V.

3) Analog-to-Digital Converters: A typical ADC uses a
squared-up oscillator signal, v (¢), as a clock to mark the times,
7,, at which to sample its input signal, x(¢). It converts the
resulting sequence of sampled values, x(z,,), to a digital output
sequence. The sampling circuitry is designed to be insensitive
to the clock signal, v (), except near its positive-going zero-
crossings, so ADCs, like mixers, are insensitive to e(r).

There are several types of ADC sampling circuits, but the
circuit shown in Fig. 6 is representative of the core operation
performed by most of them. The gates of the MOS transistors
are driven by Vpras — v(r), where Vpras is a constant bias
voltage and o(r) is the squared-up oscillator signal given
by (6) with an r(0) that well-approximates rjg.q1(6). When
o(r) is close to —V{ the transistors are turned on, and the
voltage across the capacitor tracks x (7). At the positive-going
zero-crossing of the oscillator signal, v(¢) rapidly transitions
toward Vp which abruptly turns off the transistors, thereby
freezing the voltage stored on the capacitor until the subse-
quent negative-going zero-crossing time.

The circuit is designed such that Vpyas — Vo —e(t) < Vopy
and Vpjas + Vo — e(t) > Vo, for all ¢, where V,¢r and V,,
are voltage levels for which the transistors have high-enough
off-resistance when Va5 —v(t) < V,rr and low-enough on-
resistance when Vpjas — v(t) > V,, so as not to degrade
performance. Hence, the use of a squared-up oscillator signal

t, =nTy+ At,, where Az, = —

(10)
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for v(r) ensures that Vpjas — v(¢) is only between V,rr
and V,, very near the zero-crossing times of v(z). One
consequence is that e(¢) can be neglected much like in the case
of the mixer described above. Another consequence is that
each transistor’s nonlinear transition between its on and off
states has little effect on the sampling circuit’s performance.
Hence, the frozen voltage stored on the capacitor when v (z)
is close to Vj well-approximates x(z,).

4) Other Clocking Applications: Oscillators are also used to
clock a wide range of other analog, mixed-signal, and digital
circuits including DACs, frequency dividers, phase-frequency
detectors (PFDs), time-to-digital converters (TDCs), digital-
to-time converters (DTCs), timers, and synchronous digital
logic. In most cases, the components within these circuits
that are clocked by the oscillator signals are edge-triggered
latches or flip-flops.

The clock input of each such edge-triggered latch or flip-
flop is driven by a clock signal of the form Vpjas + v(2),
where, once again, Vpras is a constant bias voltage and
v(t) is a squared-up oscillator signal. By design, the edge-
triggered circuit only changes its state when o(f) is in a
narrow range of values about its midpoint, and Vj is large
enough that that —Vjy + e(¢) and Vp + e(¢) are outside this
range for all 7. Therefore, by exactly the same reasoning
described above for mixers and sampling circuits, such circuits
are insensitive to e(z).

E. Phase Error Versus Phase Noise

An oscillator signal’s phase error, ¢(¢), usually contains
both a random component and a deterministic component. The
random component is caused by device noise, such as thermal
and flicker noise, introduced by the transistors and other com-
ponents that make up the oscillator circuit. The deterministic
component is the result of deterministic disturbances that are
inadvertently generated within or parasitically coupled into the
oscillator circuitry. For example, the deterministic component
of ¢(¢) in a PLL-based oscillator inevitably contains spurious
tones, also known as spurs, that are not harmonics of the
oscillator frequency.

In this paper, ¢(¢) is called phase error and the random
component of @(¢) is called phase noise. This choice was
made to avoid confusion because the word noise is considered
by many people to denote purely random phenomena. It is also
consistent with much of the published literature, e.g., most
papers that report the measured performance of PLL-based
oscillators refer to phase noise and spurious tones as distinct
types of phase error. Unfortunately, the literature is not con-
sistent in this respect. For instance, in the IEEE standard
¢ (t) is called phase fluctuations and, somewhat confusingly,
the term phase noise is reserved exclusively for a function
L(f) (pronounced “script-ell of ) equal to half the one-sided
time average power spectrum of ¢(r) [10].

F. Time Average Power Spectra

Laboratory measurements and circuit simulations of power
spectra inevitably estimate time average power spectra as
opposed to statistical power spectra [17]. The two-sided time
average power spectrum of a real-valued continuous-time
signal, in this case ¢ (¢), is defined as

1
Sps (f) = Jim —|FT {pr()}* for — 00 < f < oo (11)

provided the limit exists, where f has units of Hz, and
FT{¢7(t)} is the Fourier transform of ¢(¢) restricted to the
interval 0 <t < T. Specifically,

FT {¢r()} = / " gr e s (12)
where
_ @), if0<t<T,
¢r() = [ 0, otherwise. (13)

As is well known and can be verified from the definition
above, Sy (f) for any value of f can be interpreted as 1/Af
times the time average power of ¢(¢) in the frequency band
between fand f + Af in the limit as Af — 0. Hence, each
value of Syp(f) represents a power density per Hz. In this
case, ¢ (¢) has units of radians, so Sy (f) has units of radians?
per Hz.

Replacing |FT{¢r )} in (11) by the product of the right
side of (12) and the complex conjugate of the right side of (12)
and rearranging the result yields

Spp (f) = /OO Ryg(v)e /" dr, (14)
where Ryp¢(7) is given by
1 T
Ryp(7) = Tlim 7/ P ()P(t + 7)dt (15)
— 00 0

and is called the trime average autocorrelation of ¢(t).
Equation (14) implies that Sy (f) is the Fourier transform of
the time average autocorrelation. Applying the inverse Fourier
transform to (14) gives

Ry (7) :/ Spp (f)el*™df. (16)

It follows from (15) that the time average power of ¢(¢) is
R44(0), so (16) implies that the time average power of ¢(r)
is the integral of Sy(f) over all frequencies.

The Fourier transform of any real-valued function is conju-
gate symmetric, and |c| = |c¢*| for any complex number c,
so (11) implies that Sps(f) = Sgg(—f). Consequently,
the one-sided time average power spectrum of ¢ (), defined as

Sp (f) = 2849 (f) for £ >0,

is often used. The factor of 2 ensures that the time average
power of ¢(t) is the integral of Sy(f) over all positive
frequencies.*

As described above,

a7

1
L(f) =58 (F) (1s)
by definition. This definition is important because L(f) is
what laboratory phase noise measurement instruments esti-
mate. For reasons explained in Section III-A, when L(f) is
expressed in decibels (dB), i.e., 10logio(L(f)), its units are
defined to be dBc/Hz.

For the remainder of the paper, all time average power spectra are referred
to as just power spectra for brevity.
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G. Spurious Tones

A signal or its power spectrum is said to contain a spur
at a frequency f, if the signal’s power spectrum contains a
Dirac delta function at f;,,. The power of a phase error spur
at frequency f;, is therefore given by

Smtlel
Pspur = hm/
¢—>0 Sm—lel

with units of radians”.

Due to the symmetry of Sy (f) about f = 0, its spurs
appear in pairs, e.g., a sinusoidal component B sin(27 f;,t) in
@(t) gives rise to two B%/4-powered spurs, at frequencies f;,
and — f,,,. Nevertheless, the power of each spur is quantified
separately by (19), a justification for which is explained in the
next section.

As shown in Section IV, spurs are especially detrimental
to the performance of wireless systems, so spur mitigation
techniques in PLL-based oscillators are an active research
topic [18]-[21].

Spp (S (19)

ITI. OSCILLATOR SIGNAL POWER SPECTRUM
A. Relationship to Phase Error Spectrum

As described in Section II, it is usually the case in practice
that only the fundamental term of an oscillator signal (e.g., the
n =1 term in (8)) contributes to the oscillator signal’s power
spectrum in a wide bandwidth around f = wy/(27), and
in many applications e(t) can be neglected. In these cases,
the oscillator signal of interest has the form

v(t) = Asin (wot + ¢ (1))

where A is a constant amplitude.
Applying the angle sum trigonometric identity to (20) gives

v(t) = Asin (wpt) cos (¢ (1)) + A cos (wpt) sin (¢(¢)) . (21)

If |[¢(t)] << 1 for all ¢ as is often the case for oscillators,
applying the sine and cosine small angle approximations
to (21) results in

v(t) = Asin (wot) + A cos (wot) ¢ (1).

(20)

(22)

The first and second terms on the right side of (22) are the
ideal oscillator signal and an additive noise term caused by
oscillator phase error, respectively.

The power spectrum of v(¢) and its properties are given
by (11)-(17) except with ¢ replaced by v. Given that the ideal
oscillator signal term in (22) has zero bandwidth, the one-sided
power spectrum of v(¢) for f # wo/(2x) only depends on
the noise term. It follows from well-known Fourier transform
properties and the power spectrum definition that the one-sided
power spectrum of v(f) can be written as

~ A? (9] [O))
SN (| -50]) forfzse @3
This can be rearranged and combined with (18) to give
S (2 + 1)
ﬁ(f)=A+/2 for f > 0. (24)

The right side of (24) used to be the definition of L(f) [22].
When this was the case, (18) followed from this definition as
an approximation. The old definition had the advantage that it
was a proxy for Sy (f)/2 that could easily be measured directly

from an oscillator signal’s power spectrum. Unfortunately,
the simple relationship between the old definition of £( f) and
S4(f) breaks down unless |¢(¢)| << 1. Given that practical
cases of interest exist for which |¢(r)] << 1 does not hold,
the definition was eventually changed to (18) [10].

The error term in (22) caused by oscillator phase error
can be viewed as an amplitude modulated (AM) waveform
with carrier signal Acos(wpt) and modulation signal ¢(z).
The time average power of the carrier signal is A%/2, and
for f # wo/(27) the one-sided power spectrum of the AM
waveform is S, (f). The portion of an AM waveform’s power
spectrum on either side of the carrier frequency is traditionally
called a sideband of the signal. Therefore (24) implies that
L(f) is approximately equal to the power density per Hz in
a sideband of v(¢) at an offset of f from the carrier divided
by the power of the carrier.}

It follows that 10 times the logarithm of the right side of (24)
can be interpreted as having units of dBc/Hz, i.e., the power
density per Hz in a sideband relative to the power of the
carrier in dB. Therefore, with the old definition of L(f), the
units of 10logio(L(f)) are dBc/Hz. This is not strictly true
for the current definition of L£(f), but for consistency, and
because (24) holds approximately with the current definition,
the units of 10logio(L(f)) are defined to be dBc/Hz.

If Sy(f) contains a spur at f,, the argument above can be
repeated while integrating both sides of (23) over an ¢-interval
around fo + f and applying (19). This shows that Py, is
equal to the power of the spur in S, (f) at fo+ f, divided by
the power of the carrier. Hence, the units of 10logio(Pspur)
are defined to be dBc.

By the symmetry of Sys(f), if S,(f) has a spur at fo+ fi
caused by oscillator phase error, it also has a spur of the
same power at fo— f,. Therefore, it might seem redundant to
evaluate the power of each spur individually, e.g., as in (19).
However, for reasons explained in Section VII, measurements
of oscillator signal power spectra are seldom perfectly sym-
metric for frequency offsets above and below fj, and therefore
evaluating the power of each spur separately is not redundant
in practice.

B. Continuous-Time Versus Discrete-Time Paradox

It is argued in Section II that only the samples of a squared-
up oscillator signal’s phase error at the oscillator signal’s
zero-crossing times, i.e., ¢(f,), affect the oscillator output
waveform in the absence of e(f) error. Yet it is argued in
Section III-A that in many cases of interest the power spectrum
of the fundamental term of such an oscillator signal is a
function of the power spectrum of the continuous-time phase
error waveform, ¢(¢). This apparent contradiction can be
resolved as follows.

As described in Section II-C, a squared-up oscillator signal
can be used in place of a sinusoidal oscillator signal provided
the power spectra of the terms in the squared-up signal
centered at integer multiples of fy = wo/(27) do not overlap
the power spectrum of the fundamental term centered at fy.
This requires that Sy (f) be bandlimited to a bandwidth that
is lower than fo/2. In such cases the definition of Sg4(f)
given by (11)-(13) implies that FT{¢7 ()} is also bandlimited
with this bandwidth in the limit as 7 — oo. It follows from
the sampling theorem that FT{¢7(¢)} in (11) can be replaced

§ Older literature often shows phase noise as L£(A f) to underscore this fact.
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Fig. 7. Sampling behavior of the limiting amplifier on the oscillators phase
and additive error.

by To times the discrete-time Fourier transform of ¢(nTy) for
| f1 < fo/2. Hence, in such cases

Spg ()
2
T | < j Jo
lim -2 To) e /27 /nTo if 9
_ im0 n;w¢T(" 0)e ifIf <
0, otherwise.
(25)

Provided the bandwidth of Sy (f) is sufficiently low, (10)
implies that ¢(z,) = ¢(nTy) to a high degree of accuracy.
In such cases, it follows from (25) that Sp4(f) can be
expressed as a function of ¢(r) sampled at the oscillator
signal’s positive-going zero-crossing times. A nearly identical
argument shows that it can also be expressed as a function of
¢(t) sampled at the oscillator signal’s negative-going zero-
crossing times. Thus, provided |¢(f)] << 1, it follows
from (17), (23), and (25) that S,(f) can be expressed as a
function of ¢ (t,) instead of ¢(z).

C. Sampled Phase Error

The assumption that Sgs(f) = 0 for |f| > fo/2, which
led to (25), is usually acceptable in wireless transceivers,
because the various signal paths in wireless transceivers
typically have bandwidths much less than fo/2 by design.
In contrast, the assumption is rarely valid in clocked systems
which generally lack equivalent band-limiting circuits. In such
cases, (25) does not hold because sampling the phase error at
a rate of f causes aliasing.

A common approach to avoid this problem is to replace
the actual phase error power spectrum, Sgq(f), with a con-
ceptual modified phase error power spectrum, S(’/, " (f), equal
to the right side of (25). Even though S;w(f) # Sy (f)
when Ss4(f) is not bandlimited to |f| < fo/2, S;w(f) is
bandlimited to | f| < fo/2 and already contains all content that
would have aliased into the frequency band |f| < fo/2 had
S¢¢(f) been sampled at a rate of fy. Accordingly, S;S " (f) can
be used in place of Sy (f) in all of this paper’s results that
relate the phase error power spectrum to fo-rate samples of
the phase error or, by extension, to absolute jitter.

Fig. 7 shows how this approach can be extended to handle
broadband additive error that gets converted to phase error
when a sinusoidal oscillator signal is amplified and clipped by
a limiting amplifier to generate a squared-up oscillator signal.

Both the broadband phase and the broadband additive error are
sampled at the zero crossings of the oscillator signal. The lim-
iting amplifier’s wide bandwidth typically causes aliasing of
many bands of broadband noise into the | f| < fo/2 frequency
band.

The conversion of additive error to phase error also affects
the clock buffers which follow the limiting amplifier. The
purpose of a clock buffer is to maintain the squared-up
edges of the clock signal over long transmission distances,
and therefore is susceptible to the same error-sampling effect
discussed for limiting amplifiers. While each clock buffer may
only contribute a small amount of phase error, in ICs such as
network routers or FPGAs where GHz clocks are distributed
several centimeters, their cumulative error usually dominates
the oscillator’s intrinsic phase error [23], [24].

The simulation methodology described in Section VI-A
ensures that the sampling and conversion effects described
above are properly captured, so that any amplitude error on
the resulting squared-up clock signal can usually be ignored,
as explained in Section II-B. The phase error power spectrum
of this squared-up clock signal can then be “input-referred”
as shown in Fig. 7 to generate the equivalent band-limited
Sg/b b (f) which contains all the sampled noise.

Throughout the remainder of the paper, Sgs(f) is used
in equations that relate the phase error power spectrum to
samples of the phase error or, equivalently, to jitter, as a proxy
for either the actual phase error power spectrum or S;s p N.
In cases where the actual phase error is bandlimited to
[fl < fo/2, the reader should view Sg4(f) as denoting
the power spectrum of the actual phase error. Otherwise,
the reader should view Sgs(f) as denoting S;5 " (f). In this
way, the quantity denoted by Sz (f) in such equations is
bandlimited to | f| < fo/2 by definition.

D. Why S4¢(f) Increases With Oscillator Frequency

As can be seen from (1) and (6), oscillator frequency,
wp, and phase error, ¢(t), are separate variables in both
the sinusoidal and squared-up oscillator signal models. This
separation obscures an implicit dependency of phase error
on oscillator frequency that arises because phase error rep-
resents the oscillator’s timing error as a fraction of its period
but its period is inversely proportional to its frequency. For
example, (10) implies that changing an oscillator’s frequency
by X dB without changing the mean squared value of its
absolute jitter would increase its phase error power by 2X dB.

Indeed, it has been shown for many different types of
oscillators that the effect of circuit noise on absolute jitter
is relatively independent of the frequency to which a given
oscillator is tuned [25]-[28]. In such cases, changing the
oscillator’s frequency does not significantly change the mean
squared value of its absolute jitter.

This effect can cause confusion when comparing the phase
noise performance of oscillators tuned to different frequencies.
The confusion can be avoided by normalizing the phase noise
of the oscillators to a common frequency prior to comparing
their phase noise spectra. The phase noise of an oscillator
normalized to a frequency w, is (wn/wo)2S¢¢, (f) where wy is
the nominal frequency and Sy (f) is the phase noise spectrum
of the oscillator. In general, the phase noise of two oscillators
normalized to the same frequency will be approximately equal
if they have equivalent jitter performance. For example, two
oscillators, one with frequency wp and phase error power
spectrum Syy (f) and one with frequency 2ep and phase error
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power spectrum 4Sg,(f) would have the same normalized
phase noise power spectrum. Normalizing the phase noise
spectra of different oscillators to a common frequency in this
fashion allows for a fair phase noise performance comparison.

A commonly-used oscillator figure of merit (FOM) that
implicitly performs this normalization is

o\ 1

where fo = wo/(27), Af is any frequency offset, and P is
the oscillator’s power consumption in mW [25]. For instance,
if an oscillator’s frequency is doubled (increased by 3 dB)
without changing its phase noise or power consumption, its
FOM increases by 6 dB, which is consistent with the above
discussion.

(26)

IV. EFFECTS OF PHASE ERROR ON MIXING

In wireless receivers, a mixer’s input signal, x(¢), usually
consists of a desired signal plus multiple unwanted signals
at other frequencies called interferers or blockers. The inter-
ferers not only arise from unwanted signals received through
the antenna, but they can also result from non-ideal circuit
behavior. For example, in frequency division duplex (FDD)
transceivers it is not possible to fully isolate the receiver from
the transmitted signal, so a partially attenuated version of the
transmitted signal appears to the receiver as an interferer.

Ideally, the mixer frequency-translates x(¢) such that the
desired signal resides within the passband of the filter fol-
lowing the mixer, and the interferers are either suppressed by
the filter or subsequently suppressed by digital filtering after
analog-to-digital conversion. Unfortunately, oscillator phase
error mixes with the interferers which can result in error
that ends up in the same frequency range as the desired
signal, thereby corrupting the desired signal and reducing
the sensitivity of the receiver. This phenomenon is known as
reciprocal mixing.

It follows from (9), (20), and (22) that the output of a typical
mixer in the band of interest can be written as

y(t) = ; sin (wot) x (1) + ; cos (wot) p(H)x(t). (27)
The first term on the right side of (27) represents the ideal
behavior of the mixer, and the second term represents the
effect of oscillator phase error. The sine and cosine factors in
the two terms both perform the same frequency translations;
the sine factor frequency-translates x(r) by both wo/(27)
and —wo/(27) Hz, and the cosine factor frequency-translates
¢ (t)x(t) by both wo/(2r) and —wo/(27) Hz. Therefore, any
portion of the power spectrum of ¢(z)x(¢) that overlaps the
power spectrum of the desired signal portion of x(¢) causes
reciprocal mixing error.

For example, suppose x(f) contains a desired signal com-
ponent centered at frequency fy; and an interferer centered
at frequency f;, and suppose ¢(f) contains a spurious tone
given by Bsin[2z(fy — fi)t] where B is a constant. The
spurious tone causes ¢ (¢)x(¢) in the second term of (27) to
contain a copy of the interferer scaled by B/2 and centered at
frequency f;, which corrupts the desired signal component
unless the power spectrum of the interferer times B%/4 is
sufficiently small that it can be neglected.

More generally, multiplication in the time domain is equiv-
alent to convolution in the frequency domain, so the power

Splf~a) (_1 Interferer

Desired
Signal

Power

[]
m Spectrum
of ¢(1)x(1)

v

: , /

Ja i
Fig. 8. Power spectra on a dBc/Hz scale of: the desired signal and an
interferer in x(r), ¢ () (frequency-shifted by fz), and ¢ (r)x(¢). Hash marks
show a portion of ¢ () that causes reciprocal mixing error (top plot) and the
resulting reciprocal mixing error (bottom plot).

spectrum of ¢(f)x(¢) has a non-zero component in the fre-
quency range fg — Af/2 to fg + Af/2 if an interferer with
bandwidth Af is centered at frequency f; and Sy (f — fa)
is non-zero for f; — Af < |f| < fi + Af. This component
is centered on and therefore corrupts the desired signal com-
ponent of x (). As illustrated in Fig. 8, if the interferer has a
high-enough power relative to the desired signal, the reciprocal
mixing error can be significant even when Sy¢ (f — f) is small
for fi = Af <|fl = fi+Af.

Thus, reciprocal mixing error is caused by phase error
mixing with interferers via the ¢(¢)x(¢) term in (27), and
the corresponding signal-to-noise ratio (SNR) over the desired
signal band decreases with increasing interferer power. This
often places stringent restrictions on the phase error, because
interferers can be extremely powerful relative to the desired
signal in typical wireless receivers.” For example, in LTE
cellular handset receivers, interferers with |f; — f4] >
10 MHz can be up to 87 dB more powerful than the desired
signal [29].

Of course, the phase error also mixes with the desired
signal component via the ¢(z)x(t) term, and this causes
error in the desired signal band too. In applications such as
GSM handset receivers wherein the required SNR over the
signal band is modest, this error is less problematic than
reciprocal mixing error because the SNR does not decrease
with increasing signal power. However, in receivers for high-
order modulation formats, such as 256 QAM in LTE handset
receivers, the required SNR over the signal band is high
enough that close-in oscillator phase error, i.e., phase error
below several MHz, becomes one of the most challenging
oscillator specifications to meet [21].

Oscillator phase error also causes mixing error in wire-
less transmitters. Mixers are used in a wireless transmitter
to frequency-translate the desired signal to the RF transmit
frequency. As in receivers, each mixer behaves according
to (27); it performs the same frequency translations on both
its input signal, x(¢z), and the phase error term, ¢ (¢)x(z).
After frequency translation, these signals have spectral shapes
comparable to the interferer and ¢ (¢)x(f) power spectra,

**Typically, large interferers occur relatively far from f;, so they place
stringent requirements on the far-out phase error, i.e., on the phase error
power spectrum above at least several MHz.
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respectively, shown in the bottom plot of Fig. 8, except in
this case f; corresponds to the transmit frequency.

The combined signals are passed through a power amplifier
and then bandpass filtered. Typically, the bandpass filter is
a SAW filter or duplexer which attenuates the out-of-band
portion of ¢(f)x(t) by about 50 dB, but the amplification
prior to filtering is often so high that the residual out-of-band
emission from the term corresponding to ¢ (¢)x () can still be
significant. For example, in FDD transceivers, its overlap with
the receive band can desensitize the receiver. This out-of-band
emission phenomenon generally dictates the maximum far-out
phase error that can be tolerated in a given application.

The close-in phase error results in the portion of the
error power spectrum arising from ¢ (¢)x(¢) that overlaps the
desired transmitted signal. As in receivers, this term can be
problematic in applications that use high-order modulation
formats such as the 256 QAM option in LTE handset receivers
unless the close-in phase error is kept very low.

V. JITTER

In mixers it is convenient for the reasons described
above to represent non-ideal oscillator behavior in terms of
continuous-time phase error, ¢ (). In most other applications,
it is more useful to represent the non-ideal behavior in terms
of the absolute jitter, Az,, as defined in (10), or quantities
derived from the absolute jitter.

Like phase error, jitter typically consists of random and
deterministic components. Accordingly, the modifiers ran-
dom or deterministic are applied to jitter metrics in cases
where the metrics represent only the effects of the random
or deterministic components, respectively. The modifier rotal
is also often used to indicate when a jitter metric represents
the effects of both components, e.g., total absolute jitter is
comprised of random absolute jitter and deterministic absolute
jitter. Without a modifier, the total quantity is usually implied.

A. Jitter Density

In many clocked systems, the clock signal undergoes several
frequency multiplications and divisions between its source and
each circuit that it drives. In such cases, phase error is an
inconvenient metric, because, as discussed in Section III-D,
it increases with clock frequency. To avoid the tedium of scal-
ing phase error after every frequency translation, a normalized
power spectrum called jitter density and defined as

1
I = —5S5(f) (28)
@

is often used in place of the phase error power spectrum when
analyzing such systems. Jitter density is so-named because for
f < fo/2 it is proportional to the single-sided discrete-time
power spectrum of the absolute jitter sequence, Az,. This can
be seen by dividing both sides of (25) by w(%, and using (10)
and the symmetry property (17). The units of At, are seconds,
so the units of J(f) are seconds? per Hz.

The jitter densities of oscillator signals at different nominal
frequencies do not need to be normalized to a common
frequency for comparison as would be necessary for the corre-
sponding phase error power spectra, because the normalization
is built into the definition of jitter density. This property
simplifies many practical computations as demonstrated in the
following sections.

N

Jun(f)

»
\

Jun(f)

AN

Jold | fol2

Synchronous Divider

n . .
k =— is an integer
N

0, otherwise

N N

HON ACER AVACEE VAV N
V//N(t)gl_\ CI—\

Fig. 9.

Vv

Jol4

Divide-by-N circuit block diagram and effect on input clock jitter.

B. Jitter of Divided Clocks

A clock divider that reduces the frequency of its input
clock by an integer factor, N, is a fundamental building
block in many clocked systems. As shown in Fig. 9, such
a clock divider typically consists of edge-selection logic,
i.e., an N-fold digital divider driven by the oscillator signal,
v(t), followed by a retiming flip-flop. The retiming operation
renders the absolute jitter of the output clock signal insensi-
tive to noise and other non-ideal circuit behavior within the
edge-selection logic, thereby isolating the jitter-contributing
circuitry to just the retiming flip-flop. To the extent that the
absolute jitter added by the retiming flip-flop is negligible,
the output clock signal’s absolute jitter is approximately equal
to a sub-sampled version of the input clock signal’s absolute
jitter.

The jitter density of a typical clock signal has regions with
different slopes [30]. The top right plot in Fig. 9 shows the
jitter density of the divider’s input clock, where the sloped
regions have been simplified into a single low-frequency
(close-in) sloped region with jitter density J,,(f), and a
broadband (far-out) flat region with jitter density J,,5(f). The
bottom right plot in Fig. 9 shows the jitter density of the
divider’s output clock signal for the case of division by 2
(i.e., N = 2). In this example, the power of the input clock
signal’s close-in jitter density falls far below the power of the
far-out jitter density in the frequency band [ fo/4, fo/2), so the
aliased contribution of the close-in jitter density to the jitter
density of the output clock signal is negligible. The far-out
jitter density of the output clock signal is, however, doubled
in power because of aliasing introduced by the sub-sampling.

Generalizing this example to N-fold division, the output
clock’s close-in jitter density remains that of the input clock,
whereas its far-out jitter density is N times that of the input
clock. In theory, it is possible for the division ratio, N, to be
large enough that aliasing of the close-in jitter density is
non-negligible, but this rarely happens in practical low-jitter
circuits.

C. Integrated Jitter

In some applications, the mean squared value of the absolute
jitter, i.e., the time average of (Arn)2, is of interest. This can
usually be related to the phase error spectrum as shown below.

Equation (25) can be rearranged as

(o.¢]
Spg (f) =To D Rylkle™>"/*T0 for| f| < %

k=—00

(29)
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where
1 N—1
Ryglkl = lim — > ¢ nTo)¢ (2 +K) To).  (30)
n=0

The summation on the right side of (29) has the form of a
discrete-time Fourier transform. Applying the inverse discrete-
time Fourier transform equation gives

Rpplk] :/ Spg (f) e?™ kg f. (31)

It follows from (30) that the mean squared value of ¢(nTp)
is Rgpl0], so (31) implies that the mean squared value of
@(nTy) is equal the integral of Sy (f) over all frequencies.
To the extent that ¢(z,) = ¢(nTp), this with (10) implies that
the mean-squared value of the absolute jitter is given by

1 [ 1 [
= [ Ssw(ndf = [ ssar @
C()O —00 CUO 0
This and other mean-squared quantities derived from the
absolute jitter that are defined in the next section are often
stated as their square-root equivalents, i.e., the root-mean-
squared (rms) absolute jitter ops.

Section III-C defined the use of Sy(f) in this paper as
a proxy for either the one-sided power spectrum of the
continuous-time phase error, or S’ 4(f), the conceptual mod-
ified power spectrum. As explained in that section, clocked
circuits tend to contain sources of broadband noise which
result in broadband jitter, and the applications which they
serve also tend to have wide bandwidths. For these rea-
sons, it is almost always §'(f) that is used in applications
that specify jitter. Irrespective of whether Sy(f) or S:ﬁ( f)
is appropriate, both are bandlimited to the frequency
range [0, fo/2). Therefore, (32) can be rewritten as

5 1 [fo/2 fo/2
= [ snar= [ agar. o)
wy JO 0

Actually integrating the jitter density down to f = 0 would
yield an unbounded result in practice, because oscillator phase
error power spectra (and correspondingly, jitter density) tend
to be unbounded at low frequencies [30]. Usually this is not
a practical concern, though, as many clocked systems are
designed to be insensitive to low-frequency jitter density. For
example, transmitter-receiver pairs in serial communication
links use PLL-based oscillators and clock and data recov-
ery (CDR) circuits configured in a manner that effectively
bandpass-filters the transmitter clock jitter density before it
reaches timing-sensitive circuits in the receiver [31].

Hence, in practice the integration limits of 0 and fp/2 in (33)
are usually replaced by limits that are greater than O and
less than fp/2, respectively. In particular, integration limits
of 12 kHz to 20 MHz are widely used. These limits were
first seen in the specifications for the PLL-based oscillators
designed for the synchronous optical network (SONET) [32].
They have since proliferated to applications where they no
longer have any architectural significance, but because most
PLL-based oscillators have qualitatively similar phase error
power spectra, they provide a useful means by which to
quickly compare the performance of different PLL-based
oscillators.

In some applications, it is of interest to evaluate the contri-
bution of a phase error spur at a particular frequency to %Zby

It follows from (33) that this contribution can be written as

1 Sfm+lel
Otlzbs—s ur — "o lim
4 g e—0

Sp(fdf (34)

Sfm—lel

where f, is the frequency of the spur. Hence, (17) and (19)
imply that

2 2
2 Pige/10
Oabs—spur = ;Pspur = ;10 ape/ (35)
0 0

where Pgp. is the spur power in units of dBc, obtained through
measurements as described in Section VII.

D. Other Jitter-Based Metrics

In typical clocked digital circuits, multiple flip-flops whose
inputs and outputs are interconnected through combinational
logic are driven by the same clock signal. Each timing path
in such a digital circuit is defined as a path that begins at the
output of a flip-flop, passes through combinational logic, and
ends at the input of a flip-flop. Correct functionality of the
overall digital circuit requires that the maximum delay among
all such timing paths, which is called the critical path delay,
is less than the minimum clock period. The minimum clock
period depends on the jitter: the higher the jitter the lower the
minimum clock period and, therefore, the lower the maximum
possible clock frequency of the digital circuit.

In particular the variation of a clock signal’s period from
its nominal value, i.e., At, — At,_1, is the jitter metric of
interest. It is called period jitter, and is frequently used in
place of absolute jitter to specify the performance of clock
signals for digital circuits.

The concept of period jitter can be generalized to accu-
mulated jitter, which is also known as N-cycle, or long-term
Jitter. Accumulated jitter is defined as the variation of the time
interval spanned by a clock edge and the Nth edge preceding
it minus N times the nominal period, so it can be expressed
as Az, — At,_n. Thus, accumulated jitter for N = 1 is just
period jitter.

By definition, accumulated jitter is equivalent to absolute
jitter passed through a discrete-time filter with transfer func-
tion 1 — z~, so its mean squared value can be written as

fo/2 B
o2 (1\/):/0 ‘l—eﬁhNﬂf" ‘1hdf. (36)
0

E. Effects of Jitter on Analog to Digital Conversion

A common use of precision oscillators is the clocking of
ADCs. The operation of many ADCs can be abstracted into
two sequential operations. The first operation is sampling the
continuous-time, continuous-valued input signal, x(¢), at a
discrete set of times defined by the oscillator, z,,. The second
operation is quantizing the sequence of continuous-valued
samples, x(7,), into a sequence of digital codes. In many ADC
architectures, the second operation is insensitive to clock jitter,
so only the initial sampling operation is analyzed here [33].

Fig. 6 shows a simplified input sampling circuit. Ignoring
all non-idealities except clock jitter, the nth sample of the
input voltage is given by y[n] = x(nTo+ Az,). Equation (10)
implies that the |¢(f)] << 1 assumption made in previous
sections is equivalent to |Az,| << Tp. Assuming x(f) is
bandlimited to prevent aliasing, the sampling error caused by
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jitter can be approximated as y[n] = x(nTo) + x'(nTy) - Az,
where x'(¢) is the first derivative of x ().

Even with these assumptions and approximation, the jitter-
induced error, x’'(nTy) - At,, is hard to analyze without
simulation. Textbooks typically consider a worst-case scenario
in which x(¢) is a maximum-frequency, maximum-amplitude
sinusoid, x(t) = Aqax sin(wy?) [33]. In this case, the sampled
voltage error is approximately A, qx@x At,cos(wy nTp). Thus,
prior to quantization, this jitter-induced error already sets an
upper bound on the maximum achievable SNR given by

1 42

1A
SN Rpax=10logjo| 7555~ )=10log;o|
fAmaxwxaahs D30 s

(37

Restricting x(¢) to be a single sinusoid makes the analysis
tractable, but it has been shown empirically that the SNRs
of ADCs with broadband input signals achieve much higher
performance than the single-tone result would suggest [34].
Yet (37) remains useful as pessimistic performance bound.

Moreover, o,ps, the clock quality metric on which SNR,; 4«
depends, is often used instead of Sy,(f) to stipulate the
required ADC clock quality in applications. When an ADC’s
input signal, x(¢), is broadband, the error caused by jitter,
ie., x(nTop + Aty) — x(nTp), tends to be spread across the
Nyquist band in a way that does not depend strongly on
the shape of Sy(f), S0 gups is a more convenient metric.
Notable exceptions are software-defined and reconfigurable
radios in which ADCs capture broad spectrum signals, but
the constituent desired signals and interferers each occupy
relatively narrow bandwidths [35]. In such cases, Sy(f) is
required to characterize the full radio performance [36].

F. Jitter Histograms

Equation (33) provides a means with which to calculate
oaps from J(f), but it is possible to approximate o, Without
knowing J(f) by plotting a histogram of the Az, sequence.
The histogram provides an estimate of the probability distribu-
tion of Az, from which o, can be calculated directly. This is
useful in applications like ADC clocking wherein J(f) is not
particularly useful. Furthermore, with reasonable assumptions
on the sources of the random and deterministic absolute jitter
contributions to the total absolute jitter, it is possible to
estimate the relative magnitudes of their contributions [37].

For many clocked systems, jitter histograms are also a useful
visualization of clock signal phase error. For example, in a
serial communication receiver there is a circuit which samples
incoming data at time intervals controlled by a sampling clock.
As described in Section VII-C, it is usually possible to observe
the waveforms of the data and sampling clock in the time
domain. Knowing the histogram of the sampling clock jitter
shows the distribution of when the data is sampled in time,
which is usually informative because realistic absolute jitter
histograms are non-Gaussian. In contrast, simply calculating
oaps Dy integrating J(f) would give no information on the
distribution of At,.

VI. PHASE ERROR SIMULATION

In principle, an oscillator’s phase error could be esti-
mated via transistor-level transient simulations. However, this
is rarely practical, even with present-day high-performance
computers. The difficulty arises from the large timescales

necessary to capture phase error quantities of interest. For
example, to measure the phase error of a 1 GHz oscillator
down to 1 kHz would require running a transient simulation
for one million oscillator periods just to capture a single period
of a 1-kHz phase error component.

For the past few decades, simulation methods have been
available that greatly accelerate the analysis of relatively
simple circuits that generate and process periodic signals, such
as oscillators and clock buffers. While such methods are much
faster than direct transient simulation, they have limitations,
as described below, which make them generally inapplica-
ble to the simulation of larger systems such as PLL-based
oscillators.

For larger systems, it is more common to use the data gener-
ated in block transistor-level simulations to develop behavioral
models, which are then used to simulate the complete system
in an event-driven simulator. As explained below, event-driven
simulators are ideally suited for simulating large systems that
process discrete events, such as an oscillator’s zero crossings.

A. Transistor-Level Simulation

To perform a phase noise or random jitter simulation,
the simulator must first compute the circuit’s periodic steady
state, which is comprised of the periodic waveforms at the
various circuit nodes after all transient settling effects have
died out. For example, when an oscillator with a high-
QO resonator is started, it usually takes many cycles for
the oscillation envelope to stabilize. In contrast, a clock
buffer driven by an external clock signal may only need
a few cycles to stabilize [38]. There are two main tech-
niques used to compute this solution: shooting and harmonic
balance [39]-[41].

The shooting method is a time-domain approach wherein
the circuit is iteratively simulated over a time interval equal
to the expected period. After each iteration, the differences
between the circuit’s initial and final states are measured, and
the initial state for the next iteration is modified. This process
continues until the circuit’s final state is equal to its initial
state, indicating the periodic solution is achieved [39]. The
majority of the computation time is spent on transient simu-
lations, so this method is especially effective for circuits with
short periodicities, e.g., multi-GHz RF oscillators. Moreover,
as the waveforms are computed in the time-domain, sharp
transitions resulting in broadband frequency-domain content,
such as occur in ring oscillators and CMOS clock buffers, are
not problematic [42].

In contrast, harmonic balance is considered a frequency-
domain method. The circuit is first divided into two partitions,
one containing all the linear elements, and another containing
the nonlinear elements. The simulator iteratively solves for
the voltages at, and current through, the nodes at the interface
between these two partitions. Given an initial guess at the
node voltages, the currents into the linear partition are solved
in the frequency domain, which are computed using simple
matrix multiplications. This is much faster than a transient
simulation which requires iteratively solving differential equa-
tions. The currents into the nonlinear partition are solved by
first applying the Inverse-Fast-Fourier Transform (IFFT) to the
node voltages, computing the currents in the time domain,
then returning them to the frequency domain via the FFT.
By Kirchoff’s current law, the current into the linear partition
must equal the current leaving the nonlinear partition, so the
simulator iterates until this condition is satisfied.
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The computation of the nonlinear currents is cumbersome,
but the huge speed advantage gained in the frequency-domain
computation of the linear currents gives the harmonic bal-
ance method an overall advantage for circuits which are
weakly nonlinear, only have a few nonlinear elements, or have
extremely long periodicities. For weakly nonlinear circuits,
the overhead of the FFT and IFFT operations is modest
because the circuit solution can be represented by only a
few harmonics in the frequency domain, and by having few
nonlinear elements, the quantity of time-domain computations
is reduced. For circuits with long periodicities, to achieve
a given accuracy the harmonic balance method is usually
more efficient than the shooting method because it does not
suffer from accumulated numerical noise which plagues long
transient simulations. Ideal candidates for harmonic balance
analysis are low-noise, extremely high-Q systems such as
crystal oscillators [42].

Regardless of how the circuit’s periodic steady state solution
is calculated, the second step in a phase noise or random jitter
simulation is to use this solution to compute how the different
circuit noise sources contribute to voltage noise on the periodic
signal at a chosen node. This method takes advantage of the
periodicity of the signals within the circuit so that the effect of
very low frequency circuit noise can be analyzed using only
a single period of the circuit’s behavior [43], [44].

The distinctions made in the above discussion regarding the
types of circuits best suited to either the shooting or harmonic
balance methods were more critical when these methods
were first developed. However, the rapid improvement in
simulation and computer technology over the intervening
decades has blurred this separation. While there do still exist
specialized problems which are better served by one or the
other method, there are now general-purpose industry-standard
simulation tools based on both methods, as well as hybrid
methods [45], [46].

Moreover, while early incarnations of these simulators
only estimated the raw signal power spectrum, present-day
simulators are able to estimate both phase and amplitude
error power spectra, and decompose the spectra into upper-
and lower-sideband contributions [47]. Furthermore, provided
the necessary information, they can accurately compute the
modified phase error power spectrum resulting from sampling
and/or noise folding, as discussed in Section III.C [48].

Simulation technology has reached a level of maturity where
the simulator tool is typically no longer the design bottleneck.
Rather, assuming the device models are accurate, most analysis
errors are the result of improper or incomplete simulation
methodology. For example, a complete clock distribution sys-
tem comprised of an oscillator, limiting amplifier, and clock
buffers is usually still too large to be simulated efficiently
in one circuit. Rather, it is partitioned into sections which are
simulated independently. Unfortunately, oscillators and buffers
tend to be extremely sensitive to the circuits they drive, and
buffers additionally tend to be sensitive to the circuits that
drive them [49], [50]. Therefore, realistic driving and loading
conditions must be included when simulating each partition.

In particular, the oscillator and its limiting amplifier is a
critical combination, as the interface between them is espe-
cially susceptible to broadband additive noise to phase noise
conversion. When simulating the jitter of an oscillator and
its limiting amplifier, the clock buffer following the limiting
amplifier should be included. This only serves as a realistic
load, for reasons described above, as the simulation analysis

is performed on the clock signal at the output of the limiting
amplifier.

In spite of the advancements in simulator technology, there
are still situations where simulating the combined oscillator
and limiting amplifier can cause the simulator to have conver-
gence issues. For example, this often occurs when simulating
a high-Q crystal oscillator driving a CMOS limiting amplifier.
For the reasons discussed above, the oscillator and its limiting
amplifier are optimally simulated using the harmonic balance
and shooting methods, respectively, so their combination is
challenging for either simulator. In this situation, what is
often done is to perform separate simulations on each block,
while loading the oscillator with an approximation of the
CMOS buffer load, and driving the CMOS buffer with an
approximation of the oscillator’s sinusoidal output. The two
results are then added in power to represent the total phase
noise at the CMOS buffer’s output.

When simulating clock buffer chains, their layout strongly
influences the clock signal waveforms, which in turn influ-
ences their jitter performance. It is therefore important to
electromagnetically model the interconnect between the clock
buffers, including both the signal and ground return path,
to account for potential transmission-line effects that are not
accurately captured in RC parasitic extractors [51]. The results
from electromagnetic simulators are invariably high-order
frequency-domain models in the form of s- or y-parameters.
Such models are most efficiently simulated in their native form
using the harmonic balance method. Alternatively, their domi-
nant effects can usually be captured in lumped element models
to be used with transient-based simulators, and some simula-
tors can automatically perform this conversion [46], [47].

Clock buffer chains are also highly sensitive to their power
supplies and power distribution networks. This includes the
interconnect between the clock buffers’ voltage regulators,
the voltage regulators themselves, and even the package
models. Clock buffer supply current waveforms usually have
broadband content at frequencies well beyond a voltage
regulator’s bandwidth. At these high frequencies, there are
often parasitic resonances. Therefore, accurate clock buffer
simulations require not only the circuits and their drivers and
loads, but electromagnetic models of their complete on-chip
environment, and their supply circuitry as well [52]-[54].

B. Behavioral Simulation

There are two major obstacles to using the simulation
methods described above for more complicated systems such
as PLL-based oscillators. The first obstacle is that a peri-
odic steady-state solution must exist and be computed [42].
This precludes the simulation of fractional-N type PLL-based
oscillators, as well as systems which use digitally-generated
pseudorandom dither, because such circuits tend to have
extremely long periods (e.g., several days) [48]. The second
obstacle is that even in cases where the period is relatively
small, the complexity of a complete PLL-based oscillator
imposes impractical processing and memory requirements, and
even when these resources are available, computing the peri-
odic steady-state solution can still take days. This simulation
methodology would provide little utility during the design
phase, where many iterations usually are required.

A more practical method for simulating PLL-based oscil-
lators is to use behavioral event-driven simulations [55]-[57].
These simulations offer a huge speed advantage over transient
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transistor-level simulations, because behavioral event-driven
simulations only capture the relevant functionality of circuits
rather than all of the voltages and currents of every node with
very small time steps. For example, a transistor-level oscillator
simulation iteratively solves differential equations to compute
many points per period of the oscillator waveform. Yet, as has
been argued throughout this paper, many circuits driven by an
oscillator signal are insensitive to the oscillator signal at times
other than its zero crossings. Therefore, PLL-based oscillators
are almost always behaviorally-modeled by generating the
sequence of their rising or falling zero-crossing times, z,. This
sequence can be processed using (10) and (25) to generate the
conceptual band-limited phase error power spectrum, S[;s & f)-
Even though the shape of the oscillator signal waveform is lost
in a behavioral simulation, many non-idealities such as noise
and nonlinearity can still be accurately modeled [55]-[59].

The main drawback of behavioral event-driven simulations
is that their results are only as accurate as their behav-
ioral models of the circuit’s sub-blocks. Care is therefore
required to continually cross-verify the behavioral models
against transistor-level simulations of the corresponding circuit
sub-blocks.

Mixed-signal simulators, or co-simulators, bridge the gap
between the speed of behavioral event-driven simulators and
the functional accuracy of transistor-level simulators [60].
A co-simulator can efficiently simulate a system comprised
of transistor circuits, behaviorally-modeled circuits, and fully-
digital circuits. The behavioral models are written in a mixed-
signal language such as Verilog-AMS, while the digital circuits
can be described in Verilog. The co-simulator partitions the
system into its different types, and runs simulators optimized
for each type in lock-step. Data between the simulated parti-
tions is continually communicated, so that the whole system
is simulated in unison.

The power of a co-simulation is that a design can start
with all behavioral models, and then transistor-level circuit
blocks can be used in place of the corresponding behavioral
models as they are designed. As different combinations of
transistor-level circuits and behavioral models can be run,
this implicitly improves the behavioral model verification.
Unfortunately, because the analog portions of the system are
simulated with a transistor-level simulator, co-simulations still
take orders of magnitude more simulation time than fully
behavioral simulations.

VII. PHASE ERROR MEASUREMENT

A. Spectrum Analyzers

A spectrum analyzer performs the equivalent of passing its
input signal through a bandpass filter whose center frequency
is swept across a user-defined range of frequencies, called
the span.™ This frequency-swept bandpass filter is called the
equivalent bandpass filter. The power of the equivalent band-
pass filter’s output signal is measured, and this power is plotted
on the spectrum analyzer display’s vertical axis on a dB scale
against the equivalent bandpass filter’s center frequency on
the horizontal axis. The bandwidth of the equivalent bandpass
filter is called the resolution bandwidth (RBW), and the time
it takes for the equivalent bandpass filter’s center frequency to
traverse the span is called the sweep time.

If the spectrum analyzer input is driven by an oscillator
signal, then the displayed power on the spectrum analyzer
at a frequency f is equal to the power of the oscillator

13

signal in the frequency band (f — RBW/2, f + RBW/2).
This is proportional to an estimate of the power spectrum of
the oscillator signal, S, (f), as described in Section II-F. The
accuracy of this estimate improves as the RBW decreases.

If the assumptions that ¢(r) = 0 and |¢(r)] << | made
in Section III-A are valid, then (23) can be used to estimate
S¢(f) from S,(f). As oscillator phase error power spectra
tend to rise at low frequencies, this approximation becomes
invalid at very low offsets from the carrier [61]. Extremely
low frequency oscillator phase error is indistinguishable from
frequency drift, which can also corrupt spur measurements,
as explained shortly.

Most spectrum analyzers have modes specifically for phase
noise measurement which perform the carrier power normal-
ization and apply any instrument-specific correction factors
automatically. Examples of correction factors include account-
ing for the exact transfer function of the equivalent bandpass
filter, and accounting for non-idealities in the power detector
that follows the equivalent bandpass filter [62], [63].

If amplitude error is not negligible, then replacing A with
[A4&(2)] in (20) results in an extra additive term &(¢) sin(wot)
in (22). Furthermore, any additive error on the oscillator signal
will also appear in its power spectrum. Therefore, the oscillator
signal power spectrum contains both amplitude error as well
as additive error, and these errors are indistinguishable from
phase error in S, (f). This results in a pessimistic estimate of
Sp() from S, (/).

The full form of the right side of (22) including ampli-
tude modulation is the carrier signal plus e(f)sin(wot) +
Acos(wot)¢ (), where e(t) and Agp(t) can be viewed as com-
plex modulation of the carrier. Therefore, when the oscillator
signal has both phase and amplitude error, the sidebands of
its power spectrum are no longer symmetric, in contrast to the
case of pure phase error described in Section III-A. Parasitic
coupling in both the circuit as well as the measurement setup
can result in amplitude modulation of the oscillator signal,
leading to such asymmetries. This effect is often noticeable in
the spurious tones of PLL-based oscillators.

As explained in Section III-A, the power of a spur in the
oscillator phase error power spectrum at frequency fj, is equal
to the power of the spur in the oscillator signal power spectrum
at frequency fo+ fin, divided by the power of the carrier. Thus,
the phase error spur power in dBc can be read from a dB-scale
oscillator signal power spectrum as the difference between the
values of the power spectrum at fo + f;, and fp.

However, there is a caveat to this spur measurement tech-
nique. As described above, the value of the spectrum analyzer
measurement at frequency fo + f, is the power at the output
of the conceptual RBW-bandwidth bandpass filter centered
at frequency fo + fi. Therefore, the measured power is
approximately the sum of the spur power plus the oscillator
signal noise power density integrated over the band ( fo+ f; —
RBW/2, fo + fm + RBW/2). As the power of the spur of
interest decreases, the RBW must be decreased so that the
measured power at that frequency is dominated by the spur
power, not the integrated noise power.

The left plot in Fig. 10 shows a PLL-based oscillator’s signal
measured power spectrum over a 100 kHz span centered at the
2.4 GHz carrier frequency, measured by a Rohde & Schwarz
FSW13 spectrum analyzer. Symmetric spurs are visible at

T This is a behavioral description, not an explanation of how spectrum
analyzers are implemented (a good explanation of which can be found in [17]).
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Fig. 10. Measured power spectra of a PLL-based oscillator signal (left) and its phase noise (right).

approximately 7.4, 14.7, and 29.5 kHz offsets from the carrier,
with the largest shown by the delta marker as —73 dBc. The
phase noise of this PLL-based oscillator in the 10 kHz to
100 kHz region is known to be —108 dBc/Hz. However,
because this measurement was taken with a 10 Hz RBW
and without averaging, any spur below about —80 dBc would
become indistinguishable from the noise, so to resolve a lower-
power spur would require a narrower RBW.

Unfortunately, narrow RBWs can complicate spur measure-
ments and lead to erroneously optimistic results, because the
time it takes for the spectrum analyzer to measure the power
at the output of the equivalent bandpass filter increases as the
RBW decreases. Oscillator frequency drift may cause the spur
frequency to drift in the measurement. Often, this has the effect
of spreading the spur power across a range of frequencies that
can extend beyond the bandwidth of the spectrum analyzer’s
conceptual bandpass filter, thereby underestimating the spur
power. Moreover, because frequency drift varies randomly
over time, its effect on a spur may differ from its effect on
the carrier, as they are measured at different points during the
sweep time. These effects can cause spur power measurement
to be optimistic, often by several dB.

The above discussion also explains why it is necessary to
disable spectrum analyzer averaging when measuring spurs.
Spectrum analyzer averaging causes the instrument to average
the results of multiple sequentially captured measurements.
This mode is useful for increasing the precision of noise
measurements. Unfortunately, oscillator frequency drift causes
the spur to appear at different frequencies across different
measurement sweeps. When these results are averaged, the
resulting spur power is reduced as it is averaged with noise,
and just as explained above, the averaging may affect the spur
power and carrier power differently, due to any randomness in
the frequency drift.

Most spectrum analyzers implement the conceptual band-
pass filtering operation described above by either downcon-
verting the input signal to a fixed intermediate frequency
and passing the result through a fixed-frequency bandpass
filter, or digitizing the input signal and performing fast Fourier
transform (FFT) based spectrum estimation [17]. Either way,
the accuracy of the center frequency of the conceptual band-
pass filter depends on the accuracy of the spectrum analyzer’s
local oscillator frequency, which, in turn, depends on the accu-
racy of the spectrum analyzer’s reference oscillator frequency.
Most spectrum analyzers offer the option of using an exter-
nal reference oscillator signal. When measuring PLL-based
oscillator phase error spurs, this feature makes it possible to

lock the spectrum analyzer’s local oscillator to the PLL-based
oscillator’s reference oscillator [62]. In this case, the spectrum
analyzer’s local oscillator has the same frequency drift as
the PLL-based oscillator, which avoids the spur-measurement
problem described above.

B. Phase Noise Analyzers

The lowest-noise phase noise measurements are made with
phase noise analyzers, which are also called signal source ana-
lyzers depending on the manufacturer. Phase noise analyzers
are essentially extremely sensitive receivers, and are capable
of differentiating between the amplitude and phase noise com-
ponents of an oscillator signal over a limited bandwidth [64].

Two different measurement techniques are commonly used,
homodyne phase discrimination and heterodyne frequency
discrimination [65]. The phase discrimination method is typ-
ically called narrowband-optimized mode, as it is optimized
for measuring the close-in phase noise of oscillators with very
little frequency drift, such as crystal oscillators and PLL-based
oscillators locked to crystal oscillators. The frequency discrim-
inator method is often called wideband-optimized mode, and
is better-suited to measure the phase noise of oscillators with
relatively high low-frequency phase noise or frequency drift,
such as free-running voltage-controlled oscillators. Both of
these measurement methods are further improved by corre-
lation techniques, which essentially average out the uncorre-
lated noise between multiple identical measurement channels
inside the instrument [66]. The total added noise from these
instruments can be less than 10 femtoseconds of integrated
jitter.

The right side of Fig. 10 shows the phase noise plot of
the same PLL-based oscillator discussed in the previous sub-
section, as measured by a Keysight E5052B signal source
analyzer. For the reasons given in the previous section,
the averaging techniques used by this instrument to improve
the noise measurement precision adversely affects its ability to
resolve spurs. For example, the spurs at 7.4, 14.7, and 29.5 kHz
in the left-side power spectrum are also visible in the phase
noise plot, but their powers are not directly readable as they
are spread over a range of frequencies.

C. Time-Domain Methods

For serial communication applications, phase error is usu-
ally measured in the time domain with high-speed digitizing
oscilloscopes, as they can make measurements that would
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Fig. 11.

Measured 14 GHz clock eye diagram and jitter histogram.

be impossible with other instruments [67]. Digitizing oscil-
loscopes fall into two categories, realtime and sampling (also
called equivalent-time). A realtime oscilloscope operates like
a digital version of a traditional analog oscilloscope, in that
continuous segments of the input signal are digitized and
displayed onscreen. The maximum bandwidth of the input
signal is limited by the sample-rate of the ADC, which is
currently up to well over 100 GS/s [68].

Realtime oscilloscopes often have internal configurable
zero-crossing detectors, so that finite-duration segments of the
oscillator signal absolute jitter can be extracted. An absolute
jitter sequence can be processed via an FFT, which, by (25),
gives an estimate of the oscillator phase error’s modified
conceptual power spectrum. An absolute jitter sequence can
also be viewed as a histogram, and by analyzing the histogram
as described in Section V-F, various aspects of the type and
magnitude of the jitter can be inferred.

Fig. 11 shows measurement results for a 14 GHz clock
signal via a Keysight DSAZ634A realtime oscilloscope. The
clock signal was generated by a 28 Gb/s serial transmitter,
transmitting a repetitive “01” sequence. The left plot in Fig. 11
is comprised of over 11 million segments of the measured
clock waveform shifted and overlaid atop one another, in a plot
known as an eye diagram [69]. The right plot in Fig. 11 shows
the histogram of the clock signal’s zero crossings. It shows the
total jitter, random jitter, and two additional terms: periodic
jitter (PJ) and data-dependent jitter (DDJ). The complete cate-
gorization of jitter used by this instrument is described in [70].

A realtime oscilloscope’s unique ability to debug circuit
problems in the time domain is particularly valuable in that
it makes it possible to compare, edge by edge, the absolute
jitter on a clock signal against other signals in the system. For
example, in a serial transmitter circuit, coupling may cause
transitions in the data being transmitted to disturb the edges
of its PLL-based oscillator signal [31]. By viewing the clock
and data signals simultaneously on a realtime oscilloscope,
it is possible to verify this effect, whereas if the clock signal
were viewed on a spectrum analyzer, a spur would be visible
with no indication of its phase.

In contrast to the Nyquist-rate sampling in a realtime
oscilloscope, a sampling oscilloscope sub-samples its input
signal at a much lower rate, usually below 1 MHz [67]. On the
other hand, its maximum input frequency is no longer limited
by the sampling rate, but by the bandwidth of the analog
frontend and sampling circuitry. Furthermore, as the sampling
oscilloscope’s ADC has more time to process each sample,
it can achieve higher voltage resolution. Currently, realtime
oscilloscopes have 8-10 bits of resolution, whereas sampling
oscilloscopes typically have over 12 bits of resolution [67].

Due to its sub-sampling behavior, a sampling oscilloscope
cannot be used to generate phase error power spectra, but
it can generate jitter histograms, and its ability to debug
time-domain issues is only slightly limited compared to a
realtime oscilloscope. For example, a serial transmitter can

be configured to transmit a repeating data sequence. Provided
the duration of each data sequence transmission is slower than
the maximum sub-sampling rate of the sampling oscilloscope,
it is possible to sub-sample a very high-speed clock signal
relative to the start time of each repeated data sequence. The
full clock signal can then be slowly reconstructed in the time
domain, hence the “equivalent-time” name for this instrument.
The limitation of this method stems from the instrument’s sub-
sampling behavior, in that any periodic disturbances in the
oscillator signal not harmonically-related to the sub-sampling
rate can corrupt the measurement.

A drawback of time-domain measurement instruments is
caused by their wide analog bandwidths. The analog circuitry
present in both types of oscilloscopes prior to their ADCs
adds broadband thermal noise to the oscillator signal, and this
additive noise corrupts the oscillator signal via the mechanism
described in Section III-C. Therefore, even the highest-
performance realtime and sampling oscilloscopes have inte-
grated jitter floors well above those of phase noise analyzers.

VIII. FREQUENCY STABILITY

In the preceding sections, oscillator error was analyzed in
the frequency domain via phase error and jitter power spectra,
S¢(f) and J(f). There exist, however, a broad class of prob-
lems in fields such as astronomy [71], satellite navigation [72],
and precision metrology [73], [74] in which oscillator error
is usually characterized in the time-domain with a quantity
called the Allan variance, a?(r), which is described in this
section. The main utility of tﬁe Allan variance and its variants
is that they allow for simple characterization of very long-
term oscillator behavior (days to years). For example, they
are useful in analyzing the behavior of a system where
the frequency of a low-precision oscillator is periodically
re-calibrated with a high-precision oscillator, a situation which
frequently occurs in mobile devices [75]. The development of
the time-domain approach to oscillator error was primarily
driven by the invention of the atomic clock, whereas the
phase error frequency-domain approach was motivated by the
development of Doppler radar [76], [77].

This section considers only the phase noise component
of phase error. Spurious tones and deterministic modulation
in the oscillator phase error have been extensively analyzed
within this framework [78], [79], but they require special
consideration which is beyond the scope of this tutorial.

A. Frequency Fluctuations

The instantaneous frequency, w(f), of the oscillator sig-
nal given by (1) is defined as the derivative of the argu-
ment of the sine term, i.e., w(f) = wy + ¢'(t) [80]. The
frequency fluctuations function is defined as w(t) — wo,
i.e., the deviation of the instantaneous frequency from its
nominal value. The fractional frequency fluctuations function,
y(t), is the frequency fluctuations function normalized by o,
ie. y(t) = ¢/(0)/wp.

The use of frequency rather than phase as the variable of
interest stems from early research characterizing oscillators
by counting its cycles [81]. A digital counter can be used to
approximately measure sequences of time averages of y(z) of
the form

. /ﬁ Y0, Ut = 90w

‘ T woT

; (38)
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where A; denotes the time of the kth measurement, and 7
is the duration of the average, also known as the counter
gating interval, or stride [82]. It follows from (38) that the
Y sequence is generated by sampling the result of a 7-width
moving average filter applied to y(r), which is a type of
lowpass filter. Hence, yx can be interpreted as samples of the
continuous time sequence whose power spectrum is a lowpass-
filtered version of Sy (f).

Counters only measure the zero crossings of a clock, so the
measurement of (38) incurs quantization noise. Laboratory
frequency counters use various methods to improve the mea-
surement accuracy of yg, especially for short gating intervals
relative to the clock period [83], [84]. However, for the types
of problems where Allan variance is a useful metric, the values
of 7 of interest are typically many orders of magnitude larger
than the clock period, so this quantization error can often be
ignored. However, there are other non-idealities within the
measurement instrument such as drift and noise in its internal
time base. These cannot be ignored, and must be considered
as part of the uncertainty in the measurement [85].

B. Allan Variance

A focus of early research on precision oscillators was char-
acterizing flicker frequency noise, which manifests as the low-
frequency region of S, (f) that decays at —10 dB/decade [86],
shown in Fig. 12. Unlike other types of noise, such as
white frequency noise (flat in S,(f)) or white phase noise
(420 dB/decade in Sy(f)), measurement uncertainty due to
flicker frequency noise cannot be removed by averaging, which
leads to an accuracy limitation for measurements that depend
on averaging over time intervals. Its measurement also defies
characterization by the variance, because the integral over
positive frequencies including 0 of a lowpass-filtered S, (f)
is unbounded, due to the divergence of the integral of 1/f at
f =0 [87].

The divergence of the flicker noise model at low frequencies
is shown to be accurate over extremely long observation inter-
vals, well beyond practical measurement durations [88], [89].
One method to bound the integral of Sy (f) is to use arguments
similar to those in Section V-C, where a restricted jitter density
integration interval is used to bound the calculation of absolute
jitter. However, there is no unique interval of frequency noise
integration for the characterization of oscillators that would be
applicable in all scenarios [86]. Therefore, a different metric
is needed that is both generally applicable and practically
measurable.

The problem with computing the variance of y; occurs
because the integral of Sy (f) diverges at f = 0, so the most
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Fig. 13. The o-t plot, annotated with the slopes of different regions
indicating the different noise type contributions.

straightforward solution is to take the variance of the first
difference of y;. The Allan variance, or two-sample variance,
is thus defined as

1
o}(0) = 3E [G2 = 7). (39)
Hence, the value ag (r) is equal to the variance of the
difference between two adjacent r-duration average frequency
measurements, normalized to the nominal frequency. This may
seem contrived, but it has an intuitive interpretation in relation
to timekeeping, which is explained in the next sub-section.

Taking the first difference in the time domain is equivalent
to a highpass filter in the frequency domain, so the combined
response of the first difference and the 7-width moving average
filter is equivalent to a bandpass filter applied to S, (f) [90].
The behavior of this filter is shown in Fig. 12, for three
different values of 7. The bandwidth and center frequency of
this filter is proportional to 1/z, so it has a constant logarithmic
bandwidth. As flicker noise has constant integrated power over
logarithmic bandwidths, 032,(1) is constant when the value
of 7 places the filter’s center frequency in regions of Sy (f)
dominated by flicker frequency noise.

The square root of the Allan variance, o,(7), is called the
Allan deviation. This is typically plotted on a log-log scale
versus 7, in what is called a o-7 plot, shown in Fig. 13.
Like a phase noise plot, different regions of the o-7 plot
are dominated by different types of noise. A typical o-7
plot shows, for increasing z, a downward sloping region,
a flat region, and an upward sloping region. As indicated,
all but the upward-sloping region (random-walk frequency)
can be attributed to the intrinsic noise processes encountered
in IC design. The random-walk frequency region tends to be
dominated by external effects, such as random temperature
fluctuations.

The value of 7 required to measure the upward sloping
region depends on the type of oscillator. For example, preci-
sion temperature-compensated crystal oscillators (TCXO) can
show this region after 7’s of minutes or hours, whereas the
Rubidium oscillators in GPS satellite clocks require a t of
several days [91]! It is important to note that, as 7 (and hence
measurement duration) becomes large, it becomes increasingly
difficult to isolate the performance of the oscillator under test
from the measurement environment. In addition to temperature
fluctuations, issues such as physical vibration due to office foot
traffic, power surges causing equipment failure, or failure of
the oscillator itself can all be considered random events that
tend to manifest during long-term measurements.
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C. Interpretation and Comparison With Phase Noise

Mobile devices such as cellular phones and GPS receivers
contain circuits called realtime clocks (RTC). An RTC contains
an internal oscillator tuned to a known nominal frequency.
By counting the oscillator’s cycles, a sense of time is kept.
The frequency stability of the mobile device RTC oscillator is
typically poor, so the RTC is periodically recalibrated using
the base station time as described below.

Every 7 seconds, the base station transmits its time to the
mobile device. The mobile device updates its internal time to
the received time, but also computes the error between the
RTC’s measurement of the 7-second interval and the actual
interval as defined by the base station. The mobile device then
uses this measured error to correct the RTC’s prediction of the
subsequent 7-second interval.

In this manner, the mobile device’s time error from the
base station time is reset to 0 every 7 seconds, but its time
error grows as time elapses from the most recent reset up
to the next reset. In this scenario, the standard deviation
of the mobile device’s time error immediately before each
recalibration is closely approximated by 7oy (7). While this
idealized example ignores practical challenges faced by such
systems, e.g., temperature fluctuations between recalibrations,
it illustrates how the Allen variance is a useful tool to
characterize the precision of time measurements based on the
performance of the underlying oscillator used to measure the
time interval.

Using a o-7 plot in the above example, if the chosen 7 falls
in the —1 sloped region, then 7oy (7) is a constant with respect
to 7. If 7 falls in the flat region, then 7oy (7) grows linearly
with 7, and if 7 falls in the rising region, then 7o, (7) grows
at a much higher rate. From the -7 plot, it is also easy to
calculate the maximum allowable time between recalibrations
given a maximum time error standard deviation requirement.
In contrast, such information is not evident from a plot of
either Sy (f) or J(f).

The time between the negative-slope region and the flat
region in a o-7 plot is of particular interest. This time, called
70, corresponds to the time after which averaging a frequency
measurement longer than 7y seconds does not increase the
measurement precision. Thus, the flicker noise floor of fre-
quency stability is a critical specification of precision oscil-
lators for metrology applications. Recent publications have
reported reaching a frequency stability of below 1.5 x 10718
with just 30 minutes of averaging [92]. For a point of scale,
this is equivalent to measuring the diameter of the earth to a
precision of less than the width of a hydrogen atom [93]!

The Allen variance is a convenient metric not only because
it is simple to estimate through measurement, but also because
its estimate converges for all the commonly encountered
power-law noise types. There exist several other types of
variances that offer advantages over the Allen variance. For
example, the modified Allan variance (MVAR) introduces a
7-dependent scale factor to the Allan variance that gives the
white phase and flicker phase noise regions different slopes
on the o-7 plot [94]. The total variance (TVAR) is another
Allan variance like metric that has better convergence of the
estimator sequences for long 7 in the presence of effects
such as linear frequency drift [95]. Another metric is the
Hadamard variance which has a sharp frequency selectivity
and can estimate very high order frequency noise, namely
flicker walk frequency (—50 dB/dec phase noise) and flicker
run frequency (—60 dB/dec phase noise) noise [96]. This was

needed to analyze the Rubidium oscillators in GPS satellites
that exhibit complex frequency drift behavior [91].

The approach to selecting a type of variance is similar to
the choice of window type for power spectrum estimation. The
different types emphasize (or obscure) different aspects of the
signal, and depending on the features of interest one may be
more appropriate than another. The references [90], [97], [98]
provide more details on many commonly-used types of
variance.

IX. CONCLUSION

Oscillators and the clock signals they generate are ubiqui-
tous in modern electronic systems. Due to their wide range of
applications, different disciplines have each developed their
own metrics and methods by which to characterize oscillator
non-idealities, each uniquely suited to their particular appli-
cation. Wireless systems are predominantly concerned with
the oscillator’s phase error power spectrum. Digital clocked
circuits, and wireline communication systems are more fre-
quently analyzed using time-domain jitter calculations. Metrol-
ogy and physics applications frequently employ the Allan
variance. Although these metrics, and the instruments used
to measure them, appear very different, as explained in this
tutorial they are all just different perspectives on oscillator
phase error.
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1
L,=L ||L,= ——— (parallel inductors 3.9
eq 1 2 1/L|+1/L2 (p ) (3.9)

Capacitor Basics

Physical capacitors. Electric (electrostatic) forces arise from interactions between
separated charges, and the associated energy is called electric energy. To store electric
energy, we must separate charges, as in Fig. 3.9,

i +¢q (top plate) I~ (1)
1 + +
( —
—g (bottom plate)
O

Figure 3.9

To understand the
properties of
capacitors and to
be able to find
the capacitor
voltage from the
capacitor current
and vice versa

farad,
microfarad,
nanofarad,
picofarad

Structure having capacitance. Figure 3.10  Circuit symbol for capacitance.

Circuit-theory definition of a capacitor. Figure 3.10 shows the circuit symbol
for a capacitance. Capacitance is defined as the constant relating charge and voltage in
a structure that supports a charge separation. If g is the charge on the + side of the ca-
pacitor and the voltage is v¢, as shown in Fig. 3.9, the capacitance, C, is defined as

i e 3 g=Cvc ol o 0, VIR

Chapter 13 discusses the physics of capacitance. For every charge arriving at the + side
of the capacitor, a charge of like sign will depart from the — side and the structure as a
whole will remain charge-neutral. Thus, KCL will be obeyed because charge flowing
into the + terminal side is matched by charge flowing out of the — terminal, as for a re-
sistor. If current is positive into the + terminal, positive charge will accumulate there
and will be increasing in proportion to the current. From the definition of current, we
can relate the charge in Eq. (3.10) and current as follows:

;490

5 dt
where ¢(r) is the charge in the + side of the capacitor. Thus, we may define the relation-
ship between current and voltage for a capacitor as

(3:11)

d d
ic = 2 COvele) = (20

where the last form of Eq. (3.12) is valid if the capacitance is constant. Note that we
have used a load set in Fig. 3.10 for the voltage and current variables.

Units of capacitance. The unit of capacitance is the coulomb/volt, but to honor
Michael Faraday (1791-1867), we use the name farad (F). Realistic capacitor values
come small and usually are specified in microfarads (10~° F, or uF), nanofarads (10~° F,
or nF), or picofarads (10-'2F, or pF). When a capacitor is constructed from parallel
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f= Kx (reaction)

M:E:iﬁ
dr K dt

Figure 3.11
Mechanical analog for
capacitance.
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plates, as in Fig. 3.9, the capacitance depends on the area, separation, and material
any) between the plates.

Mechanical analog of capacitance. The mechanical analog of a capacitor i
spring, as shown in Fig. 3.11. The analog of velocity is current and thus displacem
of the spring is analogous to charge. The voltage across a capacitor is analogous to |
force produced by the spring. Comparison of the second equation in Fig. 3.11 w
Eq. (3.12) shows that capacitance corresponds to the inverse of the stiffness constant,
and thus capacitance is analogous to the compliance of a spring.

Equation of RC circuit

' Derive the equation for the current in Fig. 3.12(a). Assume v¢(0) = 0.

¢ o T D,

(a) (b)

,‘Tc

Figure 3.12 (a) Closing the switch will cause a momentary current. (h) The same
circuit with variables defined.

SoLution: .
Figure 3.12(b) defines the capacitor and resistor voltages in a load-set convention. With
switch closed, KVL is

— Vo4 vp(t) +ve(t) =0 (3.

We may express both voltages in terms of the current if we differentiate Eq. (3.13):

Ve (1) =Rd1(r) +ﬂ=
dt dt

0 (3.14

d
0+ —Ri(1) +
s i(1)

The last form in Eq. (3.14) is readily manipulated to the form

di 1 t

e — dt= 10 i=— = In A= i) =Ae—1RC 3.8
i RC

where A is a constant. The current will charge the capacitor until the capacitor voltage
equal to the battery voltage. Equation (3.16) equates the final charge on C to the integral ¢
the current.

CHAPTER 3 THE DYNAMICS OF CIRCUITS
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e e~ 1/RC | i
q—q(O):Cchji(r)dfz—- =A(RC) (3.16)
. —=1/RC|,

Because v¢(0) = 0, ¢(0) = 0, and

v!
A=— (315007
R |
hence [
v |
i(1) = = g—t/RC (3.18)
(n -

m What if the switch is opened after being closed a long time? What would

happen to the capacitor voltage?*

Integral j-v equation. Equation (3.12) is useful in determining the current through
a capacitor, given the voltage as a function of time. If we know the current and wish to
determine the voltage, we must integrate. Let us consider that we know the capacitor
voltage at some time, say, t = 0, and wish to determine the voltage at a later time, t. We
can integrate Eq. (3.12) from O to ¢, with the result

'y
1
ve (1) = v (0) +Ejic(r’)dr’ (3.19)
0

We have used ¢~ as the dummy variable of the integration process because ¢ is one limit
of the integral.

m&:pacihr discharge and charge ,

As an example of the use of Eq.(3.19), consider a capacitor with current, as shown in |
Fig. 3.13.

Here we know the voltage at the beginning time, v (0) = —2 V, and the current through
the capacitor. We wish to compute the voltage for all 1 > 0. We will use Eq. (3.19), noting that |
we must divide the integration into several regions due to the piecewise nature of the current |
function. During interval I, 0 < < I ms, the current is zero; hence, the voltage does not |
change. During interval II, the slope of the current is 0.1 A/1 ms = 100 A/s; hence, the current ‘
is

|

4 No current could flow after the switch opened, and according to Eq. (3.12), the voltage would remain constant.
A real capacitor would discharge over time due to leakage current.
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;'t.ui,mA
100

T~ 10 uF

f,ms

Ve (0) = -2 (initial
value)

(a) (b)

Figure 3.13 (a) The capacitor has an initial voltage. (b) Current into the capacitor
for positive time.

ic(t) = 100(t — 1 ms) A, 1 ms<t<2ms (3.2

Thus, during interval II, the voltage will be

t
1
VC(I} = i 20+ m j ]00(‘” i lms) ﬂ"“lflllz l<t<2ms

1 ms

10+5 x 100 (t — 1ms)? v

3
) (5.2

=-20+

which indicates a parabolic increase, as shown in Fig. 3.14. The final value at r =2 ms
43V, which is easily checked from the area under the current curve:

I
Ag  areaunder current curve 3 X Ims x 100 mA
Ave = — = =45V (3.2

c C 10 pF

velf), V

S}

Figure 3.14 Capacitor voltage for positive time.

After the current pulse, the capacitor voltage remains constant because the current is zero.
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constant voltage would hold for an ideal capacitor; a physical capacitor would discharge even-
tually due to leakage current.

m What if the current were constant at 100 mA for 1 ms < r <2 ms? What

then would be the final value?’

Mechanical analogy. The process of integrating current through a capacitor to de-
termine voltage is analogous to integrating velocity to determine change in force in a
spring problem. The only difference is that the value of the capacitance scales the inte-
gral of the current, whereas the scale factor depends on K, the spring constant, in the
mechanical analog.

Stored energy in a capacitor. The charge separation in a capacitor stores electric
energy. This energy is analogous to potential energy stored in a stressed spring. We may
derive the stored electric energy in a capacitor by integrating the power into the capacitor,

2

W, J.pcdt—J‘ C——dt_Jd - Cv ):%Cvi:%% (3.23)

where pc is the power into the capacitor and W, is the stored electric energy in the ca-
pacitor. The constant of integration must be zero because the uncharged capacitor stores
no energy. We see from Eq. (3.23) that the stored energy depends uniquely on the volt-
age, or the charge, and the capacitance. For example, if we take a 10-uF capacitor and
connect it briefly to a 12.6-V battery, the capacitor will receive 0.5 x 10-5(12.6)2 =
7.94 x 10-*J from the battery. Although this is not much energy, it would take only
about I s to charge the capacitor. Hence, the rate of energy flow would be rather high,

about 800 W.
Equivalent Capacitors in series and parallel. Figure 3.15 shows two capacitors in series.
Circuits KVL yields
‘ L Py ks In .
ure 3.15 v (1) =v,+v2=——'[1dr+-— Idt=—.[ldf (3.24)
Jicitors in series add c, C, Ceq
fesistors in parallel:
ol k= where
' C,, =C,IC : (seri itors)
= = ————  (series capacitors
’] LA L SRETT A e
€ Thus, capacitors connected in series combine numerically like resistors in parallel. Sim-
ilarly, we can easily show that capacitors in parallel add like resistors in series, that is,
' * Cey=C,+ C, (parallel capacitors) (3.25)
’ L Mechanical analog for resistance. A mechanical analog for a resistance is fric-

tional loss of a special type. Voltage is analogous to force, and current analogous to ve-

S48V
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TABLE 3.1 Summary of Mechanical and Electrical Analogs

Mechanical Electrical
Force Voltage
Velocity Current
Displacement Charge
Mass Inductance
Spring compliance | Capacitance
Shock absorber ' Resistance

locity. Voltage/current, or resistance, would thus imply a force that is proportional
velocity. We experience such a force when we try to move underwater. A common f
chanical component having this property would be an automotive shock absorber.
3.1 summarizes the analogies between mechanical and electrical quantities.

H w Check Your Understanding

1. An inductor has a stored energy of 5J and an inductance of 0.1 H. What is the ¢
rent through the inductor?

2. If an ideal 10-V battery were connected for 1 s to an ideal 1-H inductor, how mi
energy would be given to the inductor?

3. A capacitor has a stored energy of 500 uJ and a capacitance of 0.15 uF. What is
voltage across this capacitor?

4. What is the mechanical analog of an inductor?
Answers. (1) 10 A; (2) 50.0J; (3) 81.6 V; (4) mass.

IEEN FIRST-ORDER TRANSIENT RESPONSE OF RL AND RC CIRCUITS

transients, First-order transients. In the major part of this chapter, we show how to anal
first-order transient  an important class of circuit problems. Typical situations are shown in Fig. 3.16.
circuits are characterized by having the following:

B A single energy storage element, one capacitor or inductor
B Loss, represented by one or more resistors

B DC sources
51

A switch® that either opens or closes at a known time, usually 7 =0, causi
a sudden change in the circuit

B Only linear components.

In all cases, the circuit will have one dc state before the switch action and another
state long after the switch action. Consequently, the state of the circuit goes throu
transition. Because this transition lasts for a brief period of time, these problems are
ten called rransient problems. We consider primarily circuits with one energy stor
element, which lead to first-order transients.

6The pulse in Fig. 3.16(c) can be considered a voltage switched ON, then OFF.

CHAPTER 3 THE DYNAMICS OF CIRCUITS

1004



Digital
Infoermation

noise, interference

blackbody
radiation,
shot noise,
flicker noise

Equivalent
Circuits

The
Frequency
Domain

white noise

586

mately 10-12 pulses/second and relays counted the pulses at the exchange to route the
call. The ring signal was about 90 to 100 V ac at approximately 20 Hz.

The modern system used a tone system to transmit switching information and sem-
iconductor switching computers have replaced the relays. The “ring” signal is com-
monly a tone that activates an audible device in the telephone receiver.

The local exchange switches up to 10# lines with the signal at the base band with a
4-kHz bandwidth. Between exchanges, the voice information is modulated with signal
sideband plus carrier into groups of 12 adjacent channels between 60 and 108 kHz.
These groups, 12 channels, are then placed into a supergroup of 60 channels between
312 and 552 kHz, and finally 10 supergroups, 600 channels, are placed into a master-
group between 564 and 3084 kHz. For long distance, the voice channels are modulated
to yet higher frequency for transmission by coaxial cable, line-of-sight microwave, or
satellite link. Currently digital systems using optical fibers are replacing traditional an-
alog systems.

Noise in Receivers

Importance of noise. When we spoke of op amps in Chapter 9, we asserted that
gain is cheap. With radio receivers, gain is not as cheap as with op amps, but we can
still achieve as high a gain as we wish by adding more stages of amplification. We
might suppose, therefore, that we can successfully detect any input RF signal, no matter
how weak, simply by having adequate gain in the receiver. This is not true, however,
because the sensitivity of a radio receiver is limited by random noise. Noise, by defini-
tion, is any undesired signal in the system, whether natural or man-made. Man-made
noise is called interference; Chapter 10 showed techniques to reduce its effects.

Sources of natural noise. Natural noise in communication systems comes from
two sources. Some noise comes into the receiver from the antenna; for example, in an
AM receiver, we can hear a sporadic crackling noise from lightning during storms.
Other sources of noise that enter the system through the antenna are atmospheric gases
(thermal noise) and extraterrestrial objects such as the sun and our galaxy (cosmic
noise).

The second source of noise is the receiver itself. Just as any body radiates black-
body radiation due to the thermal motion of its atomic constituents, so also resistors ra-
diate their own type of thermal noise into the circuits of which they are a part. We
investigate resistor noise in what follows. Transistors add, in addition to thermal noise,
shot noise due to the discrete charges that carry the current across the pn junctions, and
flicker or 1/f noise, due to slow changes in device properties from aging, temperature,

and Q!hg[ nhveical chanoeg
paysica: ¢aan 255,

Thermal noise.  The thermal radiation of resistors plays an important role in the
description of noise because resistors provide a simple calibration for noise signals.
Figure 11.16(a) shows a resistor, R, and indicates the noise voltage generated by the
thermal motion of the carriers in the resistor. The Thévenin equivalent circuit in
Fig. 11.16(b) separates the noise voltage from the resistance, which here is noise-free.
The power spectrum of the noise voltage in volts®/hertz is shown in Fig. 11.16(c),

S,(f) = 4kTR V2/Hz (11.14)
with £ = Boltzmann’s constant of 1.38 x 10-2 J/K. We note the following:
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available power

system
temperature

Noise-free
S (1), ViHz
47 R
TR
v,() = G) v, (1) 44
R Epaiindsre g

Hot, temperature = T
(a) (b) (c)

Figure 11.16 (a) A noisy resistor; (b) Thévenin equivalent circuit of a noisy
resistor; (¢) power spectrum of thermal noise.

B  The noise spectrum is white noise, meaning that all frequencies are present
equally, at least throughout the radio spectrum. Thus, a resistor produces a
noise power that is proportional to the bandwidth of the circuit.

B The intensity of the power spectrum is proportional to the temperature of the
resistor. For sensitive amplifiers, we may measure the noise of the system by
comparing system noise to the noise from a resistor of known temperature.

B The intensity of the power spectrum is proportional to the resistance. For this
reason, large values of resistance are avoided in sensitive electronic amplifiers.
The available power out of a circuit is the maximum power that the circuit is
capable of delivering into a matched load (see Chapter 2, page 69). The avail-
able power spectrum from the circuit in Fig. 11.16(b) is.

S!I'(f)
i ) :ﬁ_szW/HZ (10.15)

where S,,(f) is the available power spectrum in watts/hertz. Thus, the total power a
noisy resistor will contribute to a matched circuit is

P=KkTB W humg]

where B is the bandwidth in hertz. Equation (11.16) is useful in determining the signal-
to-noise ratio in a communication circuit, once we have defined the noise figure and
system temperature of an amplifier.

System temperature. The noise originating in the resistors and semiconductors in
a radio amplifier is generally broadband or white noise, at least over the bandwidth of
the radio. Thus, we may represent the noise as if it originated in a resistor at the input
of the radio. Figure 11.17(a) shows the true situation: An amplifier with a power gain of
G and a bandwidth of B has internal noise sources that produce N, watts of noise at its
output. In Fig. 11.17(b) we show an equivalent amplifier, assumed to be noise-free, with
the same noise at its output attributed to a noisy resistor at the input. The system tem-
perature is defined as the temperature the resistor required in Fig. 11.17(b) to produce
the same amount of output noise as in Fig. 11.17(a). Using Eq. (11.16), we can express

11.1 RADIO PRINCIPLES 587
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=0 ——0
Noisy Noise-free
amplifier N amplifier 3
G = power gain, 2 7 G = power gain, Ny= kGBG
B = bandwidth B = bandwidth
. 0o —o
Matched, Matched,
noise-free noisy resistor,
resistor temperature = T
(a) (b)

Figure 11.17 (a) Amplifier with output noise; (b) the system temperature is the
temperature of the input resistor to give the same output noise.

the output noise as

N
N =TGR = T =— K (11.17)
5 3 5 kGB

where T, is the system temperature and N, is the output noise produced by the amplifier.
All the internally generated noise is referred to the input of the receiver and then ex-
pressed as a temperature. The system temperature describes the sensitivity of the ampli-
fier; the lower the system temperature, the more sensitive the amplifier.

Noise figure. The operating noise figure is defined as the input signal-to-noise ratio
divided by the output signal-to-noise ratio. Figure 11.18 shows an amplifier with input
signal and noise, S;, and N,,, and output signal and noise, S,, and N,,. The operating
noise figure is defined to be
Sin /Nin Nnm Nr'nG & N-.' NT /G TT
F= = = =1l —=14+ — (11.18)
S, N N G N,G N,

out ot in in

where F is the operating noise figure of the amplifier and is often expressed in decibels:
Fu; = 101log F and T;, is the input noise expressed as a temperature. The first form on
the right side of Eq. (11.18) is the definition of operating noise figure. The second form
introduces the gain, G = §,,/S;,, and the third form breaks the output noise into two
components, the amplified input noise and the internally generated noise. The last form
shows that the noise figure depends on the internally generated noise, referred to the in-
put of the amplifier, compared with the input noise. Thus, the operating noise figure de-
pends in part on the input noise and not on the amplifier only. The operating noise

figure is useful in performing signal-to-noise calculations in a communication system.

(02— —O0
Sio N Amplifier SN fi
A G,B.F '
Figure 11.18 Amplifier with signal
o o and noise at input and output.
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Brief Papers

Trimless High Precision Ratioed Resistors in D/A and A/D Converters
Reimund Wittmann, Werner Schardein, Bedrich J. Hosticka, Gert Burbach, and Juergen Arndt

Abstract—Investigations into realization of high precision ra-
tioed resistors in standard CMOS and BiCMOS processes have
been carried out. The results indicate that the layout of the
resistors can be optimized with respect to area and matching re-
quirements to yield relative accuracy better than 0.25%. Using an
intermeshed ladder architecture, fast converters with resolution
up to 10 b are realizable without trimming.

I. INTRODUCTION

N recent years, A/D and D/A converters based on the use

of resistor-strings have gained great popularity. The char-
acteristics of such converters include inherent monotonicity,
temperature insensitivity, low matching requirements on com-
ponents, and relative simplicity, making resistor strings useful
for high-speed ADC’s and DAC’s with moderate resolution
requirements. Since the resistors in resistive converters are
usually arranged as regular arrays, and the same resistor core
can be used for both A/D and D/A conversion (Fig. 1), flexible
layout generators can be easily realized.

A critical aspect of the resistive concept is the size of layout
and component matching requirements. Increasing the resolu-
tion by one bit causes the number of resistors in the string
to be doubled. But this may not always be a disadvantage,
especially in applications where more than one converter is
needed, e.g., in a video processor for the red, blue, and green
components. For such applications, one resistor core can be
used for realizing a high speed multichannel converter with
excellent matching behavior because of accessing the same
resistor string.

The upper limit of achievable resolution is not only given
by how many resistors can be arranged in a defined area
but also by precision limits due to lithography errors and
process control. Any variation leads to a spread in resistance
and can be caused either by gradient or statistical errors.
Optimization strategies for resistors that minimize the effects
limiting precision are rare and standard approaches (named in
the following section) are not applicable to converter designs
in which resistor values are fixed owing to speed and power
requirements and where the large number of resistors limits
the area.

Manuscript received October 18, 1994; revised February 22, 1995.

R. Wittmann, W. Schardein, B. J. Hosticka, and G. Burbach are with the
Fraunhofer Institute of Microelectronic Circuits and Systems, 47057 Duisburg,
Germany.

J. Amdt is with TEMIC Telefunken Microelectronic, 74072 Heilbronn,
Germany.

IEEE Log Number 9412022.

This paper presents a new optimization technique for re-
sistor matching in resistive dividers that reduces the effects
limiting precision and is intended for design of resistive
D/A and A/D converters featuring high speed and moderate
resolution.

II. EFFECTS LIMITING MATCHING PRECISION

To realize a resistive n-bit converter, a string of 2"well
matched resistors must be available. The matching behavior of
those resistors, which are arranged in an array, is influenced
by several important parameters. These parameters are the
spread in sheet resistance, lithography and etching errors, bend
effects, contact resistance, and alignment errors.

Lithography and etching errors lead to statistical and deter-
ministic deviations of resistor ratios from the desired value.
The precision of converters based on the string principle is
independent of the design center resistance value, which is
defined as the averaged resistance of all matched resistors in
one converter. The absolute value can fluctuate in a range of
about 30% from one wafer to another. Statistical deviations
from this value are large for small structures and become
smaller if structure size increases. Increasing the resistor
size, however, must be carried out with care because of
the increasing influence of deterministic deviations for larger
structures. Thus, gradient errors with respect to the resistor
core depend on height, orientation, and slope of the spread in
sheet resistance. An optimal geometry for resistor layout has
to be found, which reduces the statistical errors to minimum,
assuming the statistical errors still dominate when compared
with gradient errors.

In hand-crafted analog design it is usual to design well-
matched resistors without any bends. In a flexible layout
generator for different resolutions (2™ resistors), the resistors
must contain bends or the area requirements would become
excessive. Effects that decrease matching due to deterministic
errors caused by bends, lithography, and etching are minimized
by using an identical basic resistor cell for all matched
resistors.

Another critical problem stems from contacts interconnect-
ing the array resistors. Their resistance varies widely and can
degrade matching behavior. Especially in converters featuring
higher resolution in which low-valued resistors (< 10 Q) are
used, contact resistance can easily dominate over the string
resistance. Also, mask tolerances can lead to contact alignment
errors. To avoid these problems, the resistors are arranged in
groups in which no contacts are used in the current path.

0018-9200/95$04.00 © 1995 IEEE

Authorized licensed use limited to: Penn State University. Downloaded on June 05,2025 at 18:41:14 UTC from IEEE Xplore. Restrictions apply.

1013



936

in[n:1} :> Decoder
R.n Switches
2
R,
20
u
ref ;X————) out
—
R
2
R
1

D/A Converter

Fig. 1. Parallel resistor-string D/A and A/D converter.

Fig. 2. Layout of basic resistor cell.

The resistors are interconnected without leaving the resistor
layer. At the end of each resistor chain, where contacts are
unavoidable, arrays of contacts are used for interconnection.

III. RESISTOR CELL

A flexible resistor layout generator (Fig. 2) has been de-
veloped that takes into account all aspects considered before.
The resistor generator has been developed for use in a D/A
and A/D converter compiler. Independent parameters are the
length [, the resistance 7, the width w, the spacing spc, and the
material with the sheet resistance Rs of the resistor. Dependent
parameters are the resulting height h and the number of
foldings n.

The contacts for each voltage tap are set outside the refer-
ence current path and connected with the resistor layer to the
voltage tap. This kind of connection is insensitive to alignment
tolerance of the contacts. The use of two symmetrical contact
arrays for each tap decreases the tap interconnection resistance
and increases speed, since charge time for parasitic capaci-
tances has been reduced. This principle is described in detail in
[1]. The spacing between resistor meanders is kept constant. In
case of missing meanders from a neighboring resistor, dummy
polygons are used instead.

IV. MEASUREMENT OF MATCHING BEHAVIOR

To investigate the influence of resistor parameters on match-
ing behavior independent of technology, several test circuits
with a string of 11 identical resistors were realized in a
0.8 pm-BiCMOS technology [2] and a 1.5 pm-HT-SIMOX
process [3]. The resistor type used in converters with moderate
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A/D Converter

resolution (9—12 b) has to have a low sheet resistance (< 50
Q/square). Resistors in the SIMOX process were fabricated
in polysilicon and exhibited 18 Q/square. In the BiCMOS
technology, an additional process step (silicide) decreased the
sheet resistance of polysilicon to 1.2 ¥/square. Because of this
additional process step in the BiCMOS technology, a better
matching behavior for the SIMOX resistors was expected. The
process modules used for resistor fabrication in the SIMOX
process were the same as in a standard CMOS process. Fig. 3
summarizes the measured results of the test circuits.

The measurement of test structures yielded several im-
portant results described below. The maximum of measured
relative accuracy exceeded values known from open literature.
The maximum of measured relative accuracy was found to be
0.24% for SIMOX and 0.32% for BiCMOS technology (for
untrimmed resistors). Values known from literature vary in the
range of 0.5-1%, but these are based mostly only on paired
resistors and have high area requirements (w > 25 pm [4]).
In the measured range, the number of bends (varied between
4 and 20) had no influence on matching behavior. Matching
behavior was found independent from the current density in
the evaluated range of 40-1500 pA per pm line width (Fig. 3).
Meander spacing in the range of 24 pm had also no effect
on accuracy.

A direct dependence of the relative accuracy on resistor area
was confirmed. The measurements corroborate our statement
made above. Statistical errors dominate the resistors mismatch
for small structures and deterministic errors due to gradients
dominate in the case of large structures, so that an optimum
can be easily determined. Thus, in the range below the
maximum accuracy (¢ < @crit, & 10000 um? in BiCMOS),
where statistical deviations dictate the matching behavior
of resistors, a heavy dependence between matching error
p and design area a is apparent (Fig.4). In the double
logarithmic diagram, all resistor types exhibit the same slope
but different offsets for different fabrication processes. This
behavior is almost independent of the realized resistance; only
the area determines the precision and not the resistor width in
cases where statistical errors dominate the resistor mismatch.
Measurement results lead to a simple equation, which allows
modeling of the statistical precision errors (1). This yields an
area optimization procedure for the resistor core with respect
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Type Technology Material R Vh Area No.of spc w Current {{Matching * | Standard
bends density rror p * | deviation
(@) @ (L) Qu) () (uaum) op, 1lres. |o, 15str.
1___ |BiCMOS |Silicide (1.2) [10 [2 [1220 [4 12 [8  [1s00 .90 % 0.143 %
2 BiCMOS Silicide (1.2) | 10 1.4 (2568 14 2 12 1025
3 |BcMoS [Silicide (1) (10 (114380 {4 1z |16 1750
4 __|BiCMOS _|Ssilicide (12
5 |BICMOS |Silicide (1.%) | 100 : 0.070% -
6 BiCMOS _ | Silicide (1.2) .5 112960 |8 2 160 0.34 % 0.070 %
7 BiCMOS | Silicide (1.2) 0.1]51288 {4 2 75 {l0.63% 0.422 %
8 SIMOX | Poly (18) 15[572 |8 2 140 1lo.66 % 0.117%
9 SIMOX Poly (18 1.1]1778 {8 2 .
10 iSIMOX. 18)  |sbo {1 14330 18 {2
11 SIMOX Poly (18) 500 [1 14330 (8 3 8
[12_[sMOX [roly18) {500 |1 [4330 [8 la~ |8
* averaged over 15 structures consisting of 11 resistors each
Fig. 3. Matching behavior of different types of resistors.
1
09 - 0; N~
o8 100 (silicide) 08 -
5 07 - 07
a os 1 é 06
E 05 e os
g 04 E o4
§ 100 Q (silicide) 2 o3
g o - §
E o2 im=1 1
02
1000 10000 100000
1<,
area a (pm?) <lent
Fig. 4. Measurement results. ' 30 40 50 0 70 o; %0 100
length | (um)
to precision requirements for a defined converter resolution Fig. 5. Modeling of statistical errors.
1
= Ja’ with this type of resistor. The matching tolerance tol( Rz) can
o =2 be defined as the relative error according to the average value
" are 5 Rm of all resistors of a string
and R, - R
tol(R;) = —=— -100%
@ < aerit o)
with
with ;
) . . — 1 A . . .
P expectefl matching ©ITOr In percent, R==. Z R; j:number of resistors in a string.  (2)
a’  normalized area of single resistor, J o=
a  area of single resistor,

aros reference resistor area (1% target precision) (SIMOX:

ares = 260 pm?, BICMOS: a,.; = 900 pm?).

In the range a < g, the matching behavior is dominated
by statistical mismatch, and the matching precision can be
doubled by quadrupling the area of the resistors. Since this
equation is valid for [/h ratios from 0.7-2.4, measurement
results can be transformed to squared resistors (I/h = 1). In
this case, the matching precision is proportional to the edge [
of the resistor (Fig. 5). For a > a..;:, gradient errors degrade
matching behavior. This area range should be avoided.

V. RESISTOR CORE

Next, precision requirements imposed on resistors to be
used in the core of an n-bit A/D or D/A converter will be
analyzed to estimate the achievable resolution of conversion
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Only the matching tolerance decreases matching behavior, not
a shift of Rm. The voltage at each node of a n-bit converter
resistor string is found as

T
> R
=1
on

S
i=1

2. tol(R;)
2. 7100%
27’L

il

i ‘/ref

Viey 1<z<2m. 3)

The difference between V, and V. igea1[tol(Ri) = 0] has to
be less than + 0.5 LSB at all nodes of the string to meet
specification.
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Fig. 6.

In a first approach worst case precision, requirements based
on sensitivity analyses [9] are compared, which allow analysis
of the influence of small parameter variations on the operating
point of a circuit. The influence of correlated small resistor
variations on the critical node of a resistor-string (center of
the string) can determined with (4)

Vi Ry
A‘/C’I‘tt —‘ aRl - 100% tOl(Rl)
OVerit Ry
‘ ok, 100% Rt
aV::rit RE' n V'ref
. . < .
+‘ OR;  100% tol(Rz) < i @

With use of the same type of resistor (same layout) for all
resistors in the string, (4) results in

100
tol(Rstring) < —27% (2" resistors). 5)

Equation 5 defines the precision requirement for an n-bit string
converter in which all 2™ resistors are connected in series. A
limitation of the string principle is the area required for the
resistor layout. Each additional bit requires doubling of the
number of resistors. Also, the accuracy requirements imposed
on the resistors are doubled, which considerably increases the
area of each resistor (Fig. 4).

Chip size requirements can be relaxed by using an inter-
meshed resistor ladder [5]-[8]. The use of a small number
of additional coarse resistors (Fig. 6) decreases precision re-
quirements on the ladder resistors (6), which are arranged in
decoupled groups of fine resistors. The intermeshed ladder
architecture allows building of smaller and faster converters
(owing to decreasing parasitic capacitances) than converters
featuring the same resolution and using standard string struc-
ture.

The intermeshed ladder consists of two critical nodes. The
first is found in the center of the coarse ladder on which the
sensitivity for variation of the coarse resistors is maximal,
and the second is found in the center of one of the direct
neighbored fine-strings on which the sensitivity for variation
of the fine resistors is maximal. With respect to the sensitivities
of those critical nodes on deviations of the coarse resistors
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Concept Components | Additonal Matching Area for
for Core | Parameters | Requirements Resistors
) 7 bit
string 128 Rs - tol (R) 0.8% 0.077 mm?
interm. ladder | 4 Rc, 128 Rf | r=10, m=4 | tol (Rc) 0.6% | 0.061 mm?
tol (R) 0.8%
b) 8 bit
string 256 Rs - tol R) 0.4% | 0.512 mm®
interm. ladder | 8 Rc; 256 Rf | r=10; m=8 | tol (Rc) 0.26% | 0.151 mm?
tol (R) 0.80%

Fig. 7. Comparison of matching requirements.

Rc and the fine resistors R, f , precision requirements can be
estimated by

r
r 14 o
tol(R
+1tol(Rc)+ pae} ol(Ry)
100 .
< 2—n% (2" resistors R f, m resistorsRc) ©6)
with
n resolution,
tol(x) matching tolerance of z,
m number of coarse resistors,
k number of fine resistors attached to one coarse
resistor,

mx*xk = 2%,
r = Ic/If = k*Rf/Rc.

The table in Fig. 7 allows a comparison of the presented
concepts. Based on matching measurements given in the
previous section and the worst case considered (i.e., 100%
yield), the achievable resolution for each concept is shown.
Thus, considering the worst case, a resolution of 8 b can be
realized using an intermeshed ladder.

Since statistical errors in matching precision dominate for
the applied resistors, matching requirements are excessive for
the worst case. For the string converter, the worst case has been
found for all resistors in the upper half of the string being
increased by the worst case tolerance and in the lower half
being decreased by the worst case tolerance (or vice versa).
The error at the node in the center of the string has to be below
:i:% LSB to reach the desired resolution. In reality, higher
resolutions can be obtained considering the measured degree
of matching. Measurements have shown that the matching
error has a Gaussian distribution along the design center value.
Therefore, a second approach was made that is based on
statistical analysis of the resistor core and seems to be the
more realistic one. Nevertheless, the statistical approach may
be too optimistic for a higher number of coarse resistors (m >
32) in the intermeshed ladder architecture since the influence
of gradients increases.

Monte Carlo simulations have been carried out using the
simulator Pspice modeling, the matching error of the inter-
meshed ladder with a Gaussian distribution function. The
simulations were restricted to the coarse resistors only (m =
16) because of their dominant matching requirements. In the
case of a desired resolution of 10 b, the fine resistors have to
match only within a 6-b precision. All error-sensitive nodes
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yield (%)
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Fig. 8. Yield dependence on matching of resistors (Monte Carlo simulation).

(15) were monitored. A string was considered acceptable, if
all nodes had an error below +1 LSB. The yield dependence
for converters (9-11 b) on the degree of matching (Gaussian
distribution 1o) was analyzed, and the result is shown in
Fig. 8. It can be seen that the measured precision can be
realized for resistive converters with up to 10-b resolution
with an acceptable yield.

VI. CONCLUSION

Based on the known effects limiting precision of resistor
matching, methods for realizing high precision ratioed resis-
tors in standard processes have been presented. Several test
structures have been realized in a 1.5 ym HT-SIMOX and a
0.8 pm BiCMOS technology. The evaluation of dependence of

939

matching behavior on resistor size showed that statistical errors
dominate the resistor mismatch for small structures, while
gradient (i.., deterministic) errors dominate the mismatch for
large resistors. Hence, an optimum size for resistor arrays can
be found, which yields an optimum precision. In the SIMOX
process [3], a matching precision of 0.25% was reached. It
was found that bending had no measured influence on resistor
precison. A worst case analysis showed that a converter
resolution of 8 b can be reached using the intermeshed
ladder principle. With a more realistic statistical analysis the
intermeshed ladder converter can reach 10-b resolution with
the SIMOX technology and 65% yield.
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A 1.9-GHz Wide-Band IF Double Conversion CMOS
Receiver for Cordless Telephone Applications

Jacques C. Rudell, Student Member, IEEE, Jia-Jiunn Ou, Student Member, IEEE, Thomas Byunghak Cho, Member, IEEE,
George Chien, Student Member, IEEE, Francesco Brianti, Jeffrey A. Weldon, Student Member, IEEE,
and Paul R. Gray, Fellow, IEEE

Abstract— A monolithic 1.9-GHz, 198-mW, 0.6-um CMOS
receiver which meets the specifications of the Digital Enhanced
Cordless Telecommunications (DECT) standard is described. All
of the RF, IF, and baseband receiver components, with the ex-
ception of the frequency synthesizers, have been integrated into a
single chip solution. A description is given of a wide-band IF with
double conversion architecture which eliminates the need for the
discrete-component noise and IF filters in addition to facilitating
the eventual integration of the frequency synthesizer blocks with
on-chip VCO’s. The prototype device utilizes a 3.3-V supply and
includes a low noise amplifier, an image-rejection mixer, and
two quadrature baseband signal paths each of which includes
a second-order Sallen and Key anti-alias filter, an eighth-order
switched-capacitor filter network followed by a 10-b pipelined
analog-to-digital converter (ADC). The experimental device has
a measured receiver reference sensitivity of —90 dBm, an input
referred IP3 of —7 dBm, a P_, 4z of —24 dBm, and an image-
rejection ratio of —55 dBc across the DECT bands.

Index Terms— Analog-to-digital converters, anti-alias filters,
CMOS RF, Digital Enhanced Cordless Telecommunications,
image-rejection mixers, low noise amplifiers, mixers, monolithic,
radio architectures, radio receivers, switched-capacitor filters,
wide-band IF double conversion, wireless communications.

I. INTRODUCTION

HE proliferation of cellular, cordless, and PCS applica-
Ttions has driven the demand for portable communication
systems which share the common requirement of a low-cost,
low-power, small form-factor transceiver [1]. To address this
need, recent research has been focused toward the develop-
ment of a monolithic transceiver using a low-cost CMOS
technology [2]-[7]. A single-chip CMOS transceiver requires
the exploration of new systems and circuit design techniques
which facilitate the highest levels of receiver and transmitter
integration,

Commensurate with this trend toward integration is the
evolution of numerous RF standards which define the spec-
ifications of any given transceiver. A single future portable

Manuscript received July 3, 1997; revised August 22, 1997. This work was
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ternational, GEC Plessey, Xerox, Harris, Philips, and National Semiconductor.
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communication system may well require the ability to utilize
both the services provided by multiple RF standards and
the flexibility afforded through multimodal operation. This
consequently will demand the capability by a single trans-
ceiver to operate on standards with various carrier frequencies,
channel bandwidths, sensitivity, and selectivity requirements.
The increased functionality offered by a large high-integration
system will be well suited to address the needs of a multimodal
transceiver.

This paper describes a receiver system that achieves high
levels of integration while exhibiting features potentially al-
lowing operation on multiple RF standards. A prototype device
based on this new wide-band IF double conversion (WBIFDC)
architecture was realized in a 0.6-um double-poly, triple-metal
CMOS process and runs off of a 3.3-V supply. The experimen-
tal receiver, designed for specifications of the Digital Enhanced
Cordless Telecommunications (DECT) standard, operates on a
1.9-GHz carrier and has the capability of detecting a signal
amplitude of a microvolts at the low noise amplifier (LNA)
input and generating a 10-b digital representation of the desired
baseband channel. All of the required components to convert
the desired signal from RF to baseband, with the exception of
the frequency synthesizers, are integrated onto the prototype
device which includes an LNA, an image-rejection mixer, two
baseband filter stages, and two analog-to-digital converters
(ADC).

Section II provides a brief review of two well-known re-
ceiver systems and introduces the wide-band IF with double
conversion architecture, Section III provides an extended de-
seription of the wide-band IF system examining the merits and
nonidealities of this architecture. Section IV discusses CMOS
implementation issues of the wide-band IF system for the
DECT standard. Finally, Section V presents test results ob-
tained from the prototype device followed by a few concluding
comments.

II. RECEIVER ARCHITECTURES

Many issues are involved when attempting to translate
a discrete-component receiver into an integrated form. To
understand some of the barriers to integration, a review is
given of a traditional superheterodyne system. Then two
approaches to integration, a homodyne receiver and the wide-
band IF with double conversion architectures are evaluated.
Although there have been many recently proposed integrated
architectures [6], [8]. for the sake of brevity, only direct

0018-9200/97510.00 © 1997 IEEE

1031




2072

LNA]

_ Discrete Component

Fig. 1. Conventional superheterodyne receiver architecture.
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Fig. 2. Direct conversion receiver architecture.

conversion and wide-band IF with double conversion will be
considered.

A. Conventional Superheterodyne Receiver

Most RF communication transceivers manufactured today
utilize a conventional superheterodyne approach. In this sys-
tem, shown in Fig. 1, implementation is achieved with a
collection of discrete-component filters and various technolo-
gies such as gallium arsenide, silicon bipolar, and CMOS. The
discrete-component RF front-end filter serves to remove out-
of-band energy and perform rejection of image-band signals.
The noise or image-rejection filter, which follows the LNA,
further attenuates the undesired signals present at the image
frequencies. An RF channel-select frequency synthesizer tunes
the desired band to a fixed IF where a discrete-component
filter performs a first-order attenuation of alternate chan-
nel energy. The IF filter, typically in combination with a
variable gain amplifier, reduces the distortion and dynamic
range requirements of the subsequent receiver blocks. High-
performance, low phase-noise voltage controlled oscillators
(VCO) are typically realized with discrete-component high-Q
inductors and varactor diodes.

The high-() associated with the discrete components found
on a superheterodyne receiver is difficult and somewhat im-
practical to realize at high frequency as an integrated solution.
A superior performance with respect 1o selectiviry, a measure
of a receiver’s ability to separate the desired band about
the carrier from signals received af other frequencies, and
sensitivity, the minimal signal at the receiver input such

LNA Bi ®
I

that there is a sufficient signal-to-noise ratio at the receiver
output [9], [10], can only be achieved with the use of high-
( discrete components found on a superheterodyne receiver.
However, using these components runs contrary to the goal of
high integration required by modern portable communication
systems.

The challenge of fully integrating a receiver is to replace
the functions traditionally implemented with the high perfor-
mance, high-¢) discrete components with integrated on-chip
solutions. Problems associated with full integration of the
receiver can be separated into two categories. First, the in-
tegration of the receive signal path requires the elimination of
the noise or image-rejection filter and the discrete-component
IF filter (see Fig. 1). Second, a fully integrated low-phase
noise channel-select synthesizer must be realized using the
relatively low-(2 and poor phase-noise performance associated
with on-chip VCO’s. Two architectures which address the
issues related to integration will now be discussed.

B. Direct Conversion Receiver (Homodyne)

One receiver architecture that eliminates many off-chip
components in the receive signal path is the direct conversion,
or homodyne architecture. In this approach, shown in Fig. 2,
all of the in-band potential channels are frequency translated
from the carrier directly to baseband using a single mixer
stage. Energy from undesired channels is easily removed with
on-chip filtering at baseband. In a direct conversion receiver,
the IF stage is eliminated as is the need for image-rejection
filtering.
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Fig. 3. Wide-band IF with double conversion receiver architecture.
TABLE 1
RELATIVE COMPARISON OF RECEIVER ARCHITECTURE

Required Channel Potential Chiniied

Receiver Architecture | Discrete Select for Multi- Filterin Image-Rejection
Filters Synthesizer | modal use g

Superheterodyne RF, Noise, IF RF Low IF RF & Noise Filter
Direct Conversion RF RF High Baseband N/A
Wide-Band IF RF IF High Baseband | RF Filter &IR Mixer

Although the direct conversion receiver allows for higher
levels of integration than a superheterodyne system, problems
are associated with this architecture. Because the local oscil-
lator (LLO) is at the same frequency as the RF carrier, the
potential exists for LO leakage to either the mixer input or to
the antenna where radiation may occur. The unintentionally
transmitted LO signal may reflect off of nearby objects and
be “re-received.” consequently self-mixing with the local
oscillator resulting in a time-varying or “wandering” dc offset
at the output of the mixer [11]. This time-varying dc offset
together with inherent circuit offsets significantly reduces the
dynamic range of the receiver. In addition, a direct conversion
receiver requires a high-frequency, low phase-noise. channel-
select frequency synthesizer, which is difficult to achieve with
a relatively low-(Q) integrated VCO.

C. Wide-Band IF with Double Conversion Receiver

An alternative architecture well suited for integration of
the entire receiver is wide-band IF with double conversion
[7]. Shown in Fig. 3, this receiver system takes all of the
potential channels and frequency translates them from RF to
IF using a mixer with a single frequency local oscillator. A
simple low-pass filter is used at IF to remove any upconverted
frequency components, allowing all channels to pass to the
second stage of mixers. All of the channels at IF are then
frequency (ranslated directly to baseband using a tunable,
channel-select frequency synthesizer. Alternate channel energy
is then removed with a baseband filtering network where
variable gain may be provided. This approach is similar to
a superheterodyne receiver architecture in that the frequency
translation is accomplished in multiple steps. However, unlike
a conventional superheterodyne receiver, the first local oscilla-

tor frequency translates all of the receive channels, maintaining
a large bandwidth signal at IF. The channel selection is then
realized with the lower frequency tunable second LO. As
in the case of direct conversion, channel filtering can be
performed at baseband, where digitally-programmable filter
implementations can potentially enable more multistandard-
capable receiver features.

In summary, Table I provides a high level comparison
between the three receiver architectures discussed. Clearly,
the highest performance receiver with respect to sensitivity
and selectivity is the conventional superheterodyne architec-
ture. However, the superior performance of this sysiem is
provided only with discrete-component solutions. In addition,
the narrow-band discrete-component channel filters of the
superheterodyne receiver tailor the particular implementation
to a specific standard. Moreover, future portable transceivers
will require smaller form factors which can be provided only
through integrated solutions.

With respect to the two integrated architectures discussed,
both direct conversion and wide-band IF perform channel fil-
tering at baseband, allowing the possibility of a programmable
integrated channel filter for multistandard receiver applica-
tions. In addition, as discussed in Section 111, the wide-band IF
architecture facilitates the integration of the synthesizer section
of the receiver and provides a programmable image-rejection
MIXEr.

III. WIDE-BAND IF ARCHITECTURE: EXTENDED DISCUSSION

The wide-band IF architecture offers two potential advan-
tages with respect to integrating the frequency synthesizer over
a direct conversion approach. The most important advantage is
the fact that the channel tuning is performed using the second
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Fig. 4. Frequency domain interpretation of the wide-band IF image-rejection mixer. Low-pass filters not shown for simplicity.

lower-frequency, or IF, local oscillator but not the first, or
RF, synthesizer. Consequently, the RF local oscillator can be
implemented as a fixed-frequency crystal-controlled oscillator
where several techniques may be utilized which allow the
realization of low phase noise in the local oscillator output with
low-@) on-chip components. One such approach is the use of
wide phase-locked loop (PLL) bandwidth in the synthesizer to
suppress the YCO contribution to phase noise near the carrier
[12]-[14].

In addition, since channel tuning is performed with the IF
local oscillator, operating at a lower frequency, a reduction in
the required divider ratio of the phase-locked loop necessary
to perform channel selection results. The noise generated by
the reference oscillator, phase detector, and divider circuits
of a PLL all contribute to the phase noise performance
of a frequency synthesizer. With a lower divider ratio, the
contribution to the frequency synthesizer output phase noise
from the reference oscillator, phase detector, and divider
circuits can be significantly reduced, Moreover, a lower divider
ratio implies a reduction in spurious tones generated by the
PLL [15], [16].

Another advantage associated with the wide-band IF archi-
tecture is that there are no local oscillators which operate at
the same frequency as the incoming RF carrier. This eliminates
the potential for the LO retransmission problem that plagues a
direct conversion system and results in time-varying dc offsets.
Although the second local oscillator is at the same frequency
of the IF desired carrier in the wide-band IF system, the
offset which results at baseband from self mixing is relatively
constant and may be cancelled using one of the proposed
methods described in [17] and [18].

A. Image-Rejection in the Wide-Band IF System

In the wide-band IF receiver, the signal is mixed to a
finite IF; therefore, the image problem is reintroduced in
this system. However, because the two frequency translations
occur in cascade, the architecture used lends itself to easy
implementation of the image-reject function using a six-
mixer configuration. This image-rejection mixer which shares
a similarity to the Weaver technique [19] is best understood

with a frequency domain interpretation for a real valued input
signal (Fig. 4). The RF carrier is first multiplied by in-phase
and quadrature local oscillators and converted to IF. The
spectrum at IF is the result of a convolution in the frequency
domain of the RF carrier with both a sine and cosine. At
IF, there exists a known phase relationship between the image
and desired frequency bands. This phase relationship is further
exploited with a complex mixing from IF to baseband. If the
upconverted terms from the mixer are removed by low-pass
filtering at IF and baseband, then by properly adding the four
baseband channels in pairs, the image frequencies can be made
to cancel while the desired band adds constructively for both
the I and Q channels. This image-rejection mixer has the
property that any incoming frequency below the frequency of
the first local oscillator ideally is rejected, while any frequency
above the first LO is passed. If the IF is made high enough,
additional image rejection may be obtained from the RF front-
end filter.

This particular image-rejection mixer topology has several
advantages. First, iossy passive phase-shifting filters are not
required in the signal path to generate the correct phase
between the image and desired bands. Second, assuming again
that the upconverted terms are removed, the image-rejection
is very wide-band. It can be further shown that the edge of the
image-attenuation band is set by the frequency of the first
local oscillator (LO1) which leads to the third advantage.
If it is assumed that a multistandard capable receiver is
built where the frequency of LOI can perform a coarse
adjustment to accommodate the carrier frequency of a different
standard, then the image rejection will follow the first LO, or
it can be thought of as a self-aligning image-rejection mixer.
Two hypothetical LOI frequencies, labeled fro1, and froip.
necessary to properly frequency translate the carrier of two
different standards are shown in Fig. 5(a) and (b). Both the
passband and the rejection band as a function of the frequency
referred to the mixer input are aligned to LOI. Assuming
that the desired band is above LOI in frequency, the image-
rejection will be self aligned. Further flexibility using this
mixer configuration may be obtained by reversing the polarity
of the four baseband channels before they are summed together
at the mixer output. This has the effect of retaining the lower
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sideband about LO1 while rejecting the upper sideband. This
concept is illustrated in Fig. 5(c).

B. Nonidealities of the Wide-Band IF
Double Conversion System

Although the wide-band IF system has advantages with
respect to high integration, certain nonidealities limit the
overall receiver performance. These are now discussed.

Because the first local oscillator is fixed in frequency,
all of the channels must pass through the IF stage and the
desired channel is selected with the second LO. This has
two problematic implications. First, as a result of moving the
channel selection to a lower frequency, the IF synthesizers
require a VCO with the capability of tuning across a broader
frequency range as a percentage of the nominal operating
frequency. Second, by removing the channel select filter at
IF, strong adjacent channel interferers are now a concern for
the second mixer stage as well as the baseband blocks. This
implies a higher dynamic range requirement of these latter
receiver stages. In addition, spurious tones generated by the
IF local oscillator can mix with undesired IF channels creating
in-band interference at the output of the second mixer stage.
Additional care must be taken when developing a frequency
plan to guard against digital baseband clock signals and their
harmonics falling within the range of the desired IF channels.

As with conventional image-rejection mixer systems
[20]-[24], the magnitude of the image attenuation in the
wide-band IF architecture is a function of the phase mismatch
between both the [ and @ phase of the first and second local
oscillators and the gain matching between the signal paths. A
detailed derivation for the image-rejection performance as a
function of phase and gain mismatch is given in Appendix A.
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The image rejection as a function of the mismatch is given by

IR(dB) =10 - log
[1 +(1+AA)?

‘ 2(1 + AA)cos(gpa + (}:Eg)'l
L1+ (1 +A4) -

2(1 + AA)cos(poy — Pe2) |
(1)

where ¢.; and ¢.» represent the deviation of the local oscilla-
tors from quadrature in the first and second LO’s, respectively,
while AA is the aggregate gain error along the I and () signal
paths. A plot of (1) is given in Fig. 6. With a sufficiently high
intermediate frequency, the image-rejection may be performed
with a combination of the RF front-end filter and this image-
rejection mixer. Using this approach, most applications will
require better than 35 dB of image-rejection from the six-
mixer configuration. Under prefect gain matching, the phase
error of the local oscillator can be no great than 2° while with
perfect phase matching the gain error between any two of the
four signal paths must be less than 3.6%.

[V. DECT PROTOTYPE RECEIVER

A prototype receiver utilizing the wide-band IF architec-
ture was designed to meet the specifications of the DECT
standard [25]. In DECT, there are ten channels which are
1.728 MHz wide with carrier frequencies that range from
1.881-1.897 GHz. The required receiver reference sensitivity
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of DECT is —83 dBm. If it is assumed that a 10.3 dB or
better carrier-to-noise ratio (CNR) is needed at the output of
the receiver to meet the 10~ bit-error-rate requirement of
DECT, the receiver noise figure must be 19 dB or better. Based
on the adjacent channel immunity requirements of DECT, the
receiver must have a minimum input IP3 of —26 dBm. The
modulation scheme used by DECT is a Gaussian minimum
shift keying and the system utilizes both time division mul-
tiple access (TDMA) and frequency division multiple access
(FDMA) duplexing schemes.

As mentioned later in the mixer section, the intermediate
frequency for the desired carriers reside from 181-197 MHz.
Given that the carrier frequency is at 1.89 GHz, the image
signals fall in the 1.503-1.519 GHz band. In DECT, the
receiver is required to properly detect a —80 dBm carrier in the
presence of an out-of-band blocker —23 dBm below 1.78 GHz
[25]. Therefore, to obtain the required CNR in the presence
of the 1.5 GHz out-of-band blocker, the image-rejection can

bhe exnrecced ag

SPIeSSCC Aas

IR(dB) = CNR(dB) + (Blocker, 5 gu.(dBm)
— DesiredCarrier(dBm)). (2)

Therefore, for this particular receiver implementation of
DECT. approximately 70 dB or more of image-rejection is
required.

A. Prototype Description

A diagram of all the blocks included on the prototype chip
is shown in Fig. 7. At the RF and LO signal ports of the
receiver, a single-ended-to-differential conversion takes place
with an external balun allowing the higher frequency signals
to be brought on-chip differentially. To reduce the impact of
coupling between blocks in the receiver, the entire signal path
across the chip was made fully differential. The LNA is ac-
coupled to the input of the RF mixers, while the first mixer
stage is ac-coupled to the second set of mixers. At baseband,
two offset current digital-to-analog converters (DAC’s) are
used to mitigate any effect due to LO self-mixing in the
second mixer stage. A Sallen and Key anti-aliasing filter is

used before the signal is sampled by an eighth-order switched-
capacitor channel filter network. The signal is then digitized
using a 10-b, 10 MS/s ADC. The digital output is driven off-
chip using source-coupled logic to reduce the effects of digital
substrate noise coupling. Quadrature LO’s are realized with
a second-order polyphase filter before being applied to the
mixer input [24]. The wide-band IF architecture is intended
to be eventually integrated with the frequency synthesizer.
Therefore, the polyphase filters found on this prototype are
for testing purposes only.

All circuits on this chip use a 3.3-V supply. All pads
are electrostatic discharge (ESD) protected with reversed-
biased PN diodes including the LNA input. To further reduce
the possibility of coupling effects due to parasitic bondwire
inductances, a self-biased on-chip current source is replicated
throughout the RF and IF sections of the receiver. This bias
circuit which includes an adjustable current DAC is further
described in [26] and [27]. All bias circuits, gain control for
the RF, and baseband sections, as well as the ADC clocking
frequency and various other options are controlled by two sets
of 50-b serial-input shift registers.

A die photo is shown in Fig. 8. The chip was fabricated in a
0.6-pm double-poly, triple-metal CMOS process. The die size
is 7.5 mm by 6.5 mm while the active chip area is 15 mm?2.
A description of each circuit block in the receiver chain will
now be given starting with the LNA.

B. Low Noise Amplifier (LNA)

Essential requirements of the LNA are low noise, high
linearity, moderate gain, and low power consumption. Since
the linearity performance is dominated by the stages which
follow the LNA, the primary goal in this LNA design is to
minimize the power consumption for the required noise figure.
In a standard 0.6-pm CMOS process, the device fr is typically
below 10 GHz when biased at 0.5 V (V,,—V;). This makes the
conventional wide-band approach somewhat impractical and a
narrow-band design an attractive alternative. In addition, the
bandpass frequency response of a narrow-band LNA helps to
perform some image-attenuation and increases the immunity
of the front-end to low-frequency digital baseband signals. To
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realize this approach, an inductively degenerated common-
source amplifier topology [28], [29] was selected, as shown
Fig. 9(a). This configuration has the advantage that it provides
both current gain and voltage gain, thus reducing the noise
contribution of the following stages. Moreover, by utilizing
inductive degeneration, a real-part impedance matching is
achieved without the use of a physical resistor, which would
degrade the LNA’s noise figure.

The actual noise performance of the LNA is heavily in-
fluenced by nonidealities in devices and passive components,
which are difficult to fully model. However, some insight can
be obtained from an ideal circuit model, shown in Fig. 9(b),
where Cyq is neglected and R, is the source impedance. The
input impedance may now be expressed as

g?".

Zin = jw(Li + Lo) +
Cas

_+_

Lo. 3
oo, 2 (3)

2077

Fig. 10. Narrow-band inductively tuned LNA.

In order for Z;, to match the real-value R, the conditions
for this impedance matching are

g"i

P —
s Cgs

1
Lg = L.LJTL2: (L] + LQ)CQ_., = E (4)

where w, is the carrier frequency in radians/s.

These simplified relations were used to obtain an initial
estimate of component values in the design. Assuming the
device noise is dominated by the thermal noise produced
by the MOSFET channel, the rms drain noise current is
i2 = 4kTygmAf [30], where v = 2/3 when based in the
saturation region. The quality factor of the entire input network
is

1 ik 1
an R. “-’ccgs . w ( o 2) (&)
Now the input-referred noise figure (NF) under a matched
condition can be expressed as

]

Equation (6) shows that the NF can be reduced by increasing
(i, breaking the classical tradeoff between noise figure and
power consumption of the LNA. This now allows the LNA
linearity to be traded-off with the noise figure for a given
power consumption.

The complete implementation of the LNA is shown in
Fig. 10. A differential configuration was selected to improve
the common-mode rejection of spurious digital noise and
substrate noise coupling. Cascode device M» provides better
reverse isolation and alleviates the effect of Cyq of M;. The
relatively high-Q parasitic inductance associated with the LNA
input bondwires were used to realize L;. However, due to
the differential configuration along with the desire to integrate
all elements of the LNA, L, was implemented as an on-chip
low-() spiral inductor.

A key advantage associated with this highly integrated
receiver architecture is that the 50-2 matching is not required
at the LNA output. Therefore, a spiral inductor Lz was used
at the LNA output to tune out the capacitance associated with
the mixer input. This results in an enhancement of the output
impedance and LNA voltage gain.
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On-chip spiral inductors [32] were created with the top
two layers of metal, while the bottom layer of metal was
used as the bridge connecting the center of the spiral to an
outside terminal. Greenhouse formulas [33] were used for the
initial design while EM, a commercial software package by
Sonnet, performed a 2%-dimension electromagnetic simulation
to confirm the final design. The result was transformed to
a simple # model which was then used for the final circuit
simulation in SPICE.

Actual LNA performance is different from the idealized
model because of the nonidealities in active and passive
components. As the operating frequency approaches the device
fr, the assumption of the MOSFET quasi-static behavior no
longer holds. A first-order nonquasi-static (NQS) model can be
applied to the circuit simulation by adding a resistor in series
with the gate terminal, R.os = 1/(5g,.) [31]. To improve
the LNA noise figure, (J;, can be increased by decreasing the
input device size which reduces C,,. However, if the device
size is too small, R, becomes significant, increasing the
overall noise figure. Ideally, an optimal ();,, can be achieved
by balancing between the noise from the MOSFET channel
and the noise which results from the NQS behavior. However,
increasing (Q;,, implies large values of inductors. For this
design, both on-chip spiral and bondwire inductors limited Q;,,
to approximaiely two o three.

In addition to the noise contribution of device M, the
overall noise figure is further degraded by the cascode device
M and a finite @) of the inductors. The noise from M,
is nonnegligible because at high frequency the impedance
looking into the drain of M; is low. Simulation results show
the noise contribution from M5 is approximately 2/3 of the
noise contribution from M;.

Compared to a simulated NF of 3.5 dB, the observed
noise figure of the individual LNA testing chip is 5 dB. This
discrepancy mainly results from the inadequate thermal noise
model of the short channel MOSFET devices. The assumption

of ¥ = 2/3 in the rms drain noise current may not be valid
for short-channel devices [34], [35].

C. Mixer Implementation

To perform the frequency translation from RF to baseband,
down-conversion modulators were used. In addition to image
rejection, the modulators used in the six-mixer configuration
must provide sufficient conversion gain with a minimal noise
contribution. Therefore, an active mixer was selected. Each
of the individual six mixers is realized with a CMOS active
mixer resembling the circuit topology of a bipolar Gilbert cell
four-quadrant analog multiplier [36], [37] (Fig. 11).

The basic circuit topology used by both the first and second
mixer stages is shown in Fig. 11, with the exception that triode
region devices My and My, are replaced with p* diffusion
resistors in the second mixer stage. The input transconductance
stage consists of a simple differential pair M, and M.
The cascode devices M3 and M, provide better LO-to-RF
isolation. M;—Mjy act as switches in the mixer. Triode region
devices Mg and Mj, are used to set both the load and
the gain which may be modulated on-chip by varying the
current through diode-connected device M;s. Common-mode
feedback is achieved with devices M3, M4, Mi5, and the
current source consisting of M;; and M». Compensation for
the common-mode feedback loop is provided with C',.(.mp. To
remove any dc offsets from the first mixer and accommodate
a level shift between the output of the first mixer stage and
the input to the LO2 mixers, a 2.6-pF coupling capacitor was
used (see Fig. 12).

Selection of the local oscillator and IF frequencies involves
several tradeoffs. Gain and phase mismatch within the signal
paths of the mixer limit the practical image attenuation to
35 dB. Therefore, to meet the image-rejection requirement
of 70 dB, some filtering must be performed by the front-
end RF filter. However, to make full use of this filter, the
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Fig. 12. Two of the four mixers used in the second mixer stage using LO2.

image-band must reside sufficiently far away from the desired
carrier in frequency, implying a high IF. In addition, a high IF
reduces the tuning range requirements of the IF synthesizer.
In contrast, the output of the first mixer is a high impedance
node. Therefore, the parasitic capacitance and the silicon
technology used for this implementation set an upper bound
on the allowable intermediate frequency. Originally, the RF
mixers were designed to accompany an on-chip synthesizer
where LO1 was limited to 1.7 GHz by the 0.6-um technology.
Therefore, in this implementation LO1 was set to 1.7 GHz
requiring LO2 to range from 181-197 MHz.

To remove the upconverted terms, a low-pass filter is
required at the IF node. The output resistance of the RF mixers
in combination with the parasitic capacitance at the IF node
together create the required RC time constant. Unfortunately,
a problem associated with this particular implementation of
the wide-band IF system is that at the first mixer output, the 3
dB frequency is 160 MHz which is much lower than desired.
At IF, the desired channels range from 181-197 MHz which
implies a significant gain penalty for the RF mixers. Using
a 0.6-um CMOS technology, the drain junction capacitance
of the switches and the current source at the output of the
first mixer, the gate capacitance of the input devices of the
second mixer stage, and the parasitic capacitance of the ac-
coupling capacitor severely limit the bandwidth and the gain
of the mixer.

The output current from two of the four IF-to-baseband
mixers are added together to correctly sum the signals for
image cancellation, as shown in Fig. 12. A pair of 6-b dc
offset current DAC’s are then used to mitigate the effects
of any LO2 self-mixing and to compensate for dc offset

Il B

in the subsequent baseband switched-capacitor filter stages.
The offset current DAC on this chip can be updated with a
baseband DSP using an algorithm as described in [17] and
[18]. At the current summing node, the first pole of the anti-
alias filter is created with the mixer output resistance loaded
by a 28-pF capacitor. The low-pass filter created at the output
of the first mixer stage in combination with the Sallen and
Key filter serve a dual purpose, to remove the upconverted
IF mixer components and perform anti-alias filtering for the
subsequent switched-capacitor blocks.

Similar to the LNA, physical insight may be gained when
designing each of the individual mixer cells by creating
an idealized model. Simplified expressions for the voltage
conversion gain, input referred voltage IP3, and equivalent
input noise contribution from each device in the mixer are
given with (8)—(11). These relationships were used to make
initial estimates before simulation in SPICE.

Assuming a square-law MOSFET device, the conversion
gain of an individual mixer can be approximated by aver-
aging the gain over one period of the local oscillator, as

showi in Appendix B. This results in the following analytical
expression:
2 2 V T, Mg V
A, = ngL(—) (1 = M) o)
L V5o
or
IBias 2 V.. — V,
Al%_'B—RL(—) 17£_(g~r—t)s_w (8)
(Vgs = ‘/t)in ™ ‘ﬂ'VL()

where (Vy, — V3 )in and (Vg — Vi )sw are the (Vs — V;) of the
input devices M; and M, and the switches M5—Msg, respec-
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TABLE 11

SIMULATED MIXER

DESIGN PARAMETERS

A, | 8m Vio |(v, g VoMIM2 (Vs Vomama [(Ves-Vomsms (Ve Vommmiz
1% Stage Mixers (LO1) | 1 [4.9mA/v |65[I mV 450 mV 400 mV 410 mV 690 mV
2" Stage Mixers (LO2) | 3.5 [9.9mA/V |650 mV | 460 mV 375mV 240 mV 740 mV

tively, while g,, in (7) is the input device transconductance.
The distortion performance of the mixer was assumed to be
limited by the input differential pair. With this assumption, the
third-order intermodulation intercept point for a single mixer
can be approximated by performing a power series expansion
on the input transconductance transfer function. This results
in the following approximation:

Vr'pli =~ 4\/% (V_r,m =, ]/I')iu- (9)

The noise analysis of the mixer is considerably more com-
plicated. However, an approximation to the overall noise
performance of each mixer stage was obtained by referring
the noise generated by each device to the input of the mixer
and expressing it as an equivalent input noise resistance,
where the equivalent input rms noise voltage is given by
'”Eqin = 4kT ReqinAf.

Noise generated by the LNA in the image-band will to first-
order be cancelled when going through the image-rejection
mixer. Devices M;—Myg in the first mixer stage add noise
which is uncorrelated as the noise passes through the image-
rejection mixer. Therefore, devices M;—Mg in the first mixer
stage are single sideband (SSB) noise sources, while all other
devices in the receive path are double sideband (DSB) noise
sources.

The equivalent input noise resistance generated by devices
M, and M, is described as

) K

where k& = 2 (SSB) for the first mixer stage (LO1) and i = 1
(DSB) for the second mixer stage (LO2). Ip;.. is the mixer
tail current. The equivalent input noise resistance due to the
active current source and the load resistance can be referred

to the input as
1
—— -2 11
(7 + )2 ay

where A, is the voltage conversion gain given by (8). i,
is the load resistance from either the triode devices My and
Mjq or the p* diffusion resistor in the second mixer stage,
while (Vgs - v’l)Load is the (V_,.m = L’}) of Mll and M12 in
Fig. 11. The noise analysis from the switches is considerably
more complicated and can be analyzed using the approach
given in [38].

Equations (7)—(11) reveal the classic tradeoff between gain,
noise, and distortion. Essentially, a higher (Vs — V;) for
the input devices improves the distortion performance while

(Vg = V)

0
Igias G0

R(:qin ~ 2(7

&
A3

IBias/2

RE( LOAD =~ TR
3 (Vgs -y V!)Luztd

degrading the gain and ultimately the noise performance. It
becomes apparent from (7) that the voltage gain, and ultimately
the noise performance of the mixer, are influenced by the ratio
of (V,s — Vi)sw to the amplitude of the local oscillator. From
(11), a tradeoff is seen between the noise contribution from
devices My and M5 and the mixer output swing.

For the DECT implementation, it was desired to have a
voltage conversion gain of 10 dB through the entire image-
rejection mixer. From the system noise budget, the mixers
were to contribute less than a third of the total receiver
equivalent output noise.

The device aspect ratios for all components are given in
Figs. 11 and 12 while Table II summarizes the bias conditions
for the mixers. It was found that the predicted conversion
gain and distortion given by (7) and (9) agreed quite well
with both simulation and measured results for the individual
mixers and the entire image-rejection configuration. However,
the measured noise performance was significantly more than
predicted. The difference is believed to be related to the
inadequate device noise model. A v = % was assumed for the
thermal noise calculations, which may not have been accurate.
In addition, the unity conversion gain limitation of the first
mixer stage results in a significant noise penalty.

To minimize the mismatch between the different mixer and
LO signal paths, exceptional care was taken during layout.
Common centroid techniques were used throughout the image-
rejection mixer. The quadrature local oscillator signals used by
the mixer were generated using a polyphase filter described

las: AT
(5] .

D. Baseband Filters and ADC

Similar to a direct conversion receiver, the wide-band IF
front-end downconverts all channels to baseband before any
filtering is performed. The primary objective of the baseband
filter section is to remove all of the alternate channel energy
while adjusting the amplitude of the desired signal which
results in a reduced dynamic range requirement for the ADC.
The baseband filter and ADC utilized by this receiver have
been previously described [39]-[42]. A description of the
baseband filter and ADC as they relate to the DECT receiver
will now be outlined. A block diagram of the baseband section
is given in Fig. 13.

E. Sallen and Key Anti-Alias Filter

Before the signal is sampled by the switched-capacitor filter,
an anti-alias filter must be used. The objective is to filter any
energy that could potentially alias into the band of the desired
signal as a result of sampling. This is of particular concern
in highly integrated receivers where it is possible to have a
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Fig. 13. Bascband filters and ADC.
TABLE 111
COMPARISON BETWEEN CAPACITIVELY SCALED
AND NONSCALED BASEBAND SECTIONS
AA Filter SC Filter ADC
Total C 200pF |60pF/24pF  [11pF/4pF
Power 10mW 35mW/14m 20mW/12ZmW

weak desired signal in the presence of large adjacent channel
interferers which see little if any attenuation before the anti-
aliasing filter. For the DECT receiver, a sampling frequency
of 31.1 MS/s was selected for the switched-capacitor sampled
data circuits which follow the Sallen and Key filter. The 3-dB
bandwidth of the desired signal is 700 kHz. Therefore, the
blocking requirements at 30.4 MHz (31.1-700 kHz) define
the required anti-alias filtering at this frequency. For DECT, a
—80-dBm desired carrier must be received with an adequate
CNR in the presence of a blocker potentially —23 dBm
30.4 MHz away from the carrier. Thus, on the order of 70 dB
of attenuation is required by a combination of the RF front-
end filter and the anti-alias filter before sampling may occur
at baseband.

Anti-alias filtering for the baseband sampled-data filters is
performed by a series of cascaded poles. The output impedance
of the IF-to-baseband mixers is in parallel with a 28-pF
capacitance to form the first pole (see Fig. 12). A noninverting
amplifier is then used with resistive feedback to create a
2x gain stage which reduces the noise contribution from the
subsequent filter blocks. A second pole is then introduced at
the output of the 2x gain stage. This is then followed by a
second-order Sallen and Key filter. The 3-dB frequency of the
composite continuous time filter is 1.5 MHz, which provides
more than 70 dB of rejection 30.4 MHz away from the carrier.
Additional attenuation in this band will also be provided by
the RF front-end filter. P diffusion resistors were used with
poly-poly capacitors to create the filter poles. The filter was
designed to have an adequate frequency response for DECT
performance over all process corners.

F. Switched-Capacitor Channel-Select Filter

After the anti-alias filter, the signal is sampled and put
through an eighth-order switched-capacitor filter, which

Gain
(dB)
40

Frequency

20

1
100kHz 10MHz

Fig. 14. Measured filter response, stand-alone baseband filters.

performs channel filtering and provides variable gain from
0-42 dB in 6-dB increments. The switched-capacitor filter
has an equiripple frequency response. After filtering and gain
control, the dynamic range requirements of the ADC are now
reduced to 10 b.

The switched-capacitor filter is comprised of four biquad
stages. The first three biquad stages perform channel filtering,
while the last stage equalizes the phase response of the desired
signal for a constant group delay to compensate for delay
added by the Sallen and Key and switched-capacitor filters.
In the first few switched-capacitor stages, the desired signal’s
amplitude may be relatively small, however, as the signal
passes down the filter, gain is provided and the noise floor
(predominantly from kT/C) can rise for a constant carrier-
to-noise ratio. Therefore, capacitor scaling techniques were
employed to optimize the overall filter configuration for the
lowest power consumption. A comparison of total capacitance
used by the filters and ADC is given in Table III. It was
estimated that by scaling the capacitance, a reduction of 40%
in the switched-capacitor filter’s power consumption may be
obtained. This technique is further described in [39].

A stand-alone filter section which included both the Sallen
and Key and switched-capacitor filters was fabricated as a
separate die on the same reticle as the receiver prototype.
Fig. 14 shows the measured frequency response for all the
baseband gain filter settings on the stand-alone chip.
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