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1.1

ln this chapter we describe power electronics and present a brief introduction to semiconductor
switching devices and magnetic components. An introduction to these circuit elements is
necessary because we use them in Part I, although we do not discuss them in detail until Part III.
We also introduce in this chapter nomenclature that we use throughout the book.

Power Electronic Circuits

The dominant application of electronics today is to process information. The computer industry
is the biggest user of semiconductor devices, and consumer electronics, including cameras and
cell phones, is second. While all these applications require power (from a wall plug or a battery),
their primary function is to process information; for instance, to take the digital optical signal
produced by a cell phone camera and transform it into a photographic image. Power electronic
circuits, on the other hand, are principally concerned with processing energy. They convert
electrical energy from the form supplied by a source to the form required by a load. For example,
the part of a computer that takes the ac mains voltage and changes it to the low-voltage dc
required by the logic chips is a power electronic circuit (often abbreviated as power circuit). In
many applications, the conversion process concludes with mechanical motion. In these cases the
power circuit converts electric energy to the form required by the electromechanical transducer,
such as a dc or ac motor.

Efficiency is an important concern in any energy processing system, for the difference between
the energy into the system and the energy out is usually converted to heat. Although the cost
of energy is sometimes a consideration, the most unpleasant consequence of generating heat is
that it must be removed from the system. This consideration alone largely dictates the size of
power electronic apparatus. A power circuit must, therefore, be designed to operate as efficiently
as possible. The efficiency of very large systems exceeds 99%. High efficiency is achieved by
using power semiconductor devices (where their voltage is nearly zero when they are on, and
their current is nearly zero when they are off) to minimize their dissipation.? The only other
components in the basic power circuit are inductors, capacitors, and transformers, so the ideal
power circuit is lossless.

T Exceptions, such as linear voltage regulators, are so few that we do not consider them explicitly in this book.
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Figure 1.1 A block diagram of a typical power electronic system.

A power electronic system typically consists of much more than a power circuit, as shown
in Fig. 1.1. Switching creates waveforms with harmonics that may be undesirable because they
interfere with proper operation of the load or other equipment, so filters are often employed
at the inputs and outputs of the power circuit. The system load, which may be electrical or
electromechanical, is controlled via the feedback of electrical and/or electromechanical variables
to a control circuit. This control circuit processes the feedback signals and drives the switches in
the power circuit according to the demands of these signals. The system also includes mechanical
elements, such as heatsinks and structures to support the physically large components of the
power circuit.

In our circuit drawings, we use a capacitor symbol with a curved plate to differentiate it from
the symbol for a contactor. We also find it a more elegant symbol than a pair of parallel plates.
For electrolytic capacitors, which are polarized, the curved plate represents the negative terminal.
We do not worry about this in our diagrams as the type of capacitor is irrelevant.

Power Semiconductor Switches

The basic semiconductor devices used as switches in power electronic circuits are the bipolar
and Schottky diodes, the bipolar junction transistor (BJT), the metal-oxide-semiconductor field-
effect transistor (MOSFET), the insulated-gate bipolar transistor IGBT), and a class of latching
bipolar devices known as thyristors, the most common of which is the silicon controlled rectifier
(SCR). Their circuit symbols and operating regions in the v—i plane are shown in Fig. 1.2. We
discuss these and other hybrid devices in detail in Part III.

What follows is a brief description of the salient operating characteristics of each device
shown in Fig. 1.2. This information allows us to present the basic operation of power electronic
circuits without first mastering Part III.



1.2.1

1.2 Power Semiconductor Switches

Anode ) Collector )
4 [- ic
i io
+ I i} I | +
SZ VAK "—‘( YcE
(VY:¢ Base VeE
— I v -
Cathode Emitter
(a) (b)
Drain . Collector .
D 1c
7:1_7 7;0
1 1
v 0——'
Gate l ” Uos Gate vgg Vor
]
Source Emitter
(©) (@
Anode A Anode N
|l o+ a +
ig . i v
—_— AK Vax —_ ‘AK Vax
Gate = Gate —
Cathode Cathode
(e) ®
Figure 1.2 Circuit symbols and operating regions for power semiconductor devices: (a) diode; (b) (npn)

bipolar junction transistor (BJT); (c) (n-channel) power metal-oxide-semiconductor field-effect
transistor (MOSFET); (d) insulated gate bipolar transistor (IGBT); (¢) silicon controlled

rectifier (SCR); (f) gate turn-off thyristor (GTO).

Diode

The diode, whose symbol and variable definitions are shown in Fig. 1.2(a), is an uncontrollable
semiconductor switch. It is uncontrollable because whether it is on or off is determined by the
voltages and currents in the network, not by any action we can take. When on, its anode current,
iy, is positive. When off, its anode—cathode voltage, vk, is negative.” The diode switches in
response to the behavior of its terminal variables. If it is off and the circuit causes y4x to try

T The use of “K” instead of “C” reflects the Greek origin of the word cathode, or kathodos, meaning “way down,” that is,

the negative terminal.
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to go positive, the diode will turn on. If on, the diode will turn off if the circuit tries to force iy
to go negative.

Transistor

Transistors, whether of the bipolar or MOS type, are fully controllable switches. They possess a
third terminal (the base terminal for the BJT and the gaze terminal for the MOSFET and IGBT)
from which we can turn the device on and off. Control of the BJT requires a base current, while
the MOSFET and IGBT require a gate voltage. The symbols and terminal variables for the npn
BJT, n-channel power MOSFET, and IGBT are shown in Fig. 1.2(b), (c), and (d) respectively.

The BJT and IGBT can carry current in only one direction. For the npn BJT and IGBT shown
in the figure, this direction is ic > 0. The power MOSFET, because of its physical structure, can
carry current in either direction. The unique structure of the power MOSFET results in a diode,
known as the body diode, between its source and drain, represented by the arrowhead in the
symbol. While this diode allows negative drain current conduction, this negative current can
be supported with a lower forward drop by applying a gate signal to the device to turn on the
channel and use it instead of the body diode to conduct the current.

When off, all three transistors can support only one polarity of voltage, which, for the
transistors shown, are vcg > 0 and vps > 0. These voltage and current polarities are reversed
for the pnp BIT and the p-channel MOSFET. For reasons discussed in Part III, npn and n-
channel devices are the most commonly used types of power transistors. Because of their ease
and efficiency of control, and their low on-state voltage, MOSFETs and IGBTs are the dominant
form of switch used in power electronic circuits.

Thyristor

The only members of the thyristor family that we describe in this introduction are the SCR and
the gate turn-off thyrisor (GTO), whose circuit symbols are shown in Fig. 1.2(e) and ().

The SCR is a switch that in some ways can be thought of as a “semi-controllable” diode. If
no signal is applied to the gate, the device will remain off, independent of the polarity of usk.
To turn the SCR on, a brief pulse of current, ig, is applied to the gate terminal during a time
when vk > 0. This initiates a regenerative turn-on process that quickly latches the SCR in the
on state, in which y4x =~ 0 and the gate no longer has any control over the device. When in this
on state, the SCR can conduct only positive i. It turns off when i tries to go negative. So once
on, the SCR behaves as a diode. In summary, the SCR is a diode whose turn-on can be inhibited
by not applying a gate pulse.

The GTO is an SCR which has been constructed to enable a negative gate current to turn it
off in the presence of i4x > 0. The turn-off gain, defined as the ratio of I4k to the negative gate
current required to turn the device off, is typically in the low single digits. Two types of GTOs
are available: asymmetrical GTOs, which cannot block a high reverse voltage, and symmetrical
GTOs, which can.



1.3

1.3 Transformers 5

Transformers

Transformers are a prominent feature of power electronic circuits. We treat them extensively
in Part III, but the following introduction to their behavior permits us to use them as circuit
elements in Parts I and II.

Transformers are employed to provide electric isolation and the step-up or step-down of ac
voltages and currents. The ideal transformer shown in Fig. 1.3(a) has two windings of N and
N, turns. Dots indicate the orientation of the windings. If a voltage is applied to one winding
so that the dot is positive, the dotted ends of all the other windings (only one in this case) are
also positive. If its terminal variables are defined relative to the dots, as shown in Fig. 1.3(a), the
ideal transformer has the following terminal relationships:

v, M

L 1.1

il (1.1)

i N>

- =—— 1.2

i Ny (1.2
From (1.1) and (1.2), we deduce that vyi; = —v2i; that is, the instantaneous power into one port

is equal to the instantaneous power out of the other. The ideal transformer neither dissipates
nor stores energy. A straightforward application of the above relations also shows that if an
impedance of value Z; is connected to terminals 1-1’, an impedance of value Z, = (N2/N D%Z,
is measured at terminals 2-2’.

A transformer is ideal if it obeys (1.1) and (1.2), but no practical transformer is ideal. In most
transformers, the principal departures from ideal result in some voltage and current being “lost”
in the transformation, so terminal variables are not precisely related by (1.1) and (1.2). A model
that represents these effects is shown in Fig. 1.3(b). Some of the terminal current 7 is shunted
through the magnetizing inductance Ly, and is called the magnetizing current. This is the current
required to establish the necessary flux in the transformer core. So whereas i; and i, are still
related by (1.1) and (1.2), the real terminal currents #; and i, are not. Similarly, the real terminal
voltages v} and v}, differ from vy and v, by the drops across Lg; and Ly, which are called leakage
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(a) The ideal transformer model. (b) A more practical model, with the effects of magnetizing
inductance (L, ) and leakage (L¢| and Ly;) included.

Figure 1.3
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Figure 1.4  (a) The model of Fig. 1.3(b), with the magnetizing inductance placed on the N; side of the
ideal transformer. (b) The model of Fig. 1.3(b), simplified by reflecting L¢ through the ideal
transformer and combining it with Lgj.

inductances. These represent flux linking one winding of the transformer but not the other. In
Chapter 18 we describe the physical origins of these effects in much greater detail.

Figure 1.3(b) shows L, across the winding N;. We can, however, reflect it through the ideal
transformer so that it appears across the N winding, as shown in Fig. 1.4(a). Sometimes we do
this because the result is analytically more convenient to use. Although two leakage inductances,
one for each winding, are shown in Fig. 1.3(b), they are often combined by reflecting one through
the ideal transformer. If the voltage drop across this inductor is small relative to the voltage
across L, then L, can be moved inside this reflected inductance without introducing much of
an error, and the two leakage inductances can be combined. The resulting approximate model
is shown in Fig. 1.4(b).

Another useful model transformation is to reflect the entire circuit on one side of the ideal
transformer to the other side. A transformation of this kind is shown in Fig. 1.5. There, the
N, side circuit, C, and R,, has been “brought through” the ideal transformer. Of course, the
isolation function is lost in the transformation, which makes the technique inappropriate for the
analysis of some circuits.

We can calculate or measure the leakage and magnetizing inductances of transformers, and
we sometimes construct transformers to have specific values for these parameters. And, even
though we have been discussing only two-winding transformers, similar but somewhat more
complicated considerations apply to the modeling of transformers with more than two windings.
Other practical considerations, such as the resistance of the windings or losses in the core, are
represented by the addition of appropriate elements to the model of Fig. 1.3(b).

Figures 1.3(b) and 1.4 show the schematic transformer representation that we use throughout
this book: the circuit model being used to describe a transformer is enclosed in a dashed box.
The model frequently has an ideal transformer as one of its elements, represented by windings
with adjacent double bars. Some schematic conventions utilize the double bars to represent an
iron core, but we use the bars to indicate the coupled windings of an ideal transformer when
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Figure 1.5

(a) A transformer with an RC load on the N, side. (b) The circuit of (a) with all the N, side
components reflected to the Ny side so that the ideal transformer can be eliminated from the
transformer model.

it appears inside a dashed box. This convention avoids ambiguity and schematic clutter when
more than two windings are involved.

Nomenclature

Because we discuss several different kinds of variables, we establish some notation and defini-
tions now to permit a quick entry into the subject, and to avoid confusion later.

e Variables that may be time dependent are represented by lowercase names, such as v;. When
necessary for clarification, the time dependence is explicitly indicated, as in vy ().

o Variables that are held constant are represented by uppercase names, such as V' or Vyc.

e The average value or dc component of a variable that varies periodically in time is denoted
by angle brackets around the variable, for example (v,(1)) = Vo. Since this average value is a
constant, it is represented by an uppercase name.

e The local average is defined for a possibly non-periodic waveform, say x(¢). It is the average
over a time window of fixed length that moves with ¢; the window is usually chosen to be short
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relative to the timescales of interest. The particular version defined in Chapter 12 is denoted
by an overbar, so X(1).

o Perturbations around a constant value are indicated by a tilde, for instance v¢ = vc — V.

o The root mean square (rms) value of a periodic variable v(¢) with period T is denoted by Vims

and defined as Vims = \[1 /T) fOT v2(t) dv. The integral may be taken over any contiguous

interval of length T
o Harmonic components of a (non-sinusoidal) periodic waveform are indicated by an additional

subscript representing the harmonic number, for example v, = va; + va; + Vg5 + -+
e A sinusoidal function v(¢) can be written in the form

v(t) = V cos(wt + ¢) = Re (Vel?e/*") = Re(Ve/*"),

where “Re” denotes the real part of the complex number that follows it. The complex amplitude
of v(¢) is the complex number ¥ = Ve/®, and (particularly when plotted in the complex plane)
is also termed the phasor associated with the sinusoid.

Bibliographies

We include an annotated bibliography at the end of most chapters. It provides sources of
additional information on topics that you might want to pursue further.

Problems

Each chapter includes end-of-chapter problems that are designed to introduce variations or
extensions of the chapter’s material, or to provide students the opportunity to examine more
closely concepts or circuits introduced in the chapter. They are not simply exercises in applying
formulas. Further practice and confidence in applying and extending the material in a chapter
can be obtained by filling in details of the derivations and examples, or by developing parallel
results for circuits or converters in the same family or category as those explicitly treated in the
chapter.
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Pulse-Width-Modulated DC/DC Converters

Pulse-width-modulated switching converters are power circuits in which the semiconductor
devices switch between on and off states at a rate that is fast compared to the frequencies of
the input and output waveforms. Control of the converter is exercised by varying the ratio of
on-time to total switching period of the controlling switches, thereby controlling the width of
the pulses applied to the output. This is called pulse-width modulation or PWM control.

Certain characteristics of these converters differentiate them from the converters described
in other chapters of Part I. First, unlike the rectifiers and inverters of Chapters 3 and 4, the
semiconductor devices in pulse-width-modulated high-frequency converters do not usually use
the reversal of external waveforms to turn themselves off. Second, unlike the resonant converters
of Chapter 10, the switching frequency is high enough that the inductors and capacitors in the
circuit act as low-pass filters to the switching-frequency components; that is, these components
are greatly attenuated in the output.

High-frequency switching converters are used most often as interfaces between dc systems of
different voltage levels. Our discussion in this chapter and in Chapters 6 and 7 is therefore in
the context of this application. The converters here and in Chapter 7 are known as PWM dc/dc
converters, and examples of their use are the power supplies in computers and other electronic
equipment, where typically a rectifier is followed by a dc/dc converter.

High-frequency switching converters can also be used to interface between dc and ac systems.
Although we look at the unique aspects of this application in Chapter 8, much of what we say
about dc/dc converters in this chapter applies to dc/ac converters as well. The reason is that in
the dc/ac application, the switching frequency is usually so much higher than the ac-output (or
-input) frequency that we can consider the variables at the ac port to be constant over many
switching periods. In other words, for times on the order of the switching period, we can view
the dc/ac converter as a dc/dc converter.

In this chapter we present the structure and operation of high-frequency switching converters
that use both inductors and capacitors to store energy. Chapter 6 discusses another class of dc/dc
converters that use only capacitors. Rather than just categorizing a large number of circuits, we
develop the fundamental concepts and topological relationships on which all such circuits are
based. Again, you will see that the specification of a topology does not simultaneously specify
which port is the input and which is the output. Only when we specify the implementation and
control of the switches do the ports obtain identities as input or output.
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5.1 The DC/DC Converter Topology

The simplest form of a switching dc/dc converter is that of Fig. 5.1. The switch opens and closes
at a frequency 1/7T, with the ratio of the on-time to the period defined as D, the duty ratio. The
resulting load voltage v; is a chopped version of the input — a series of pulses having an amﬁlitude
of Vi and an average, or dc, value of DV, But this dc value comes with a substantial amount
of ripple, which is present not only in the load voltage v, but also in the source current ;. Few
applications can make use of this dc component in the presence of so much distortion. The high
frequencies contained in the ripple can cause both conducted and radiated interference with
other apparatus, such as computers or communications equipment. Moreover, some loads, such
as many electronic circuits, function properly only if operated from a dc power supply with little
ripple. Therefore, a dc/dc converter generally has terminal voltages and currents that deviate
only minutely and instantaneously from their dc values. This restriction means that we have to
modify the elementary topology of Fig. 5.1. We develop these modifications by first exploring
the topological constraint imposed by the requirement of nearly constant terminal variables.

The circuit in Fig. 5.2(a) shows a converter connecting two systems whose terminal voltages
and currents are dc with the values shown. Whatever is in the box has to produce terminal
variables that are free from pulsations or ripple. The difference between input and output
voltages, V; — ¥, = 50V, must drop across an element connected between the ports, and the
box must contain a shunt element to provide a path for the difference between input and output
currents, I, — I; = 5 A. This minimal connection of elements is shown in Fig. 5.2(b). Note that
the power absorbed by the series element is equal to the power supplied by the shunt element,
so the box is lossless — but the energy must be transferred from the shunt to the series element.
It is difficult to imagine a way to implement this simple two-element topology.

A circuit element that can support both a nonzero average voltage and a nonzero average
current without dissipating energy is a switch. Furthermore, we can control the average value of
its variables by varying the ratio of its on to off times. The problem with using switches as the
shunt and series elements, however, is that instantaneous values of the input current and output
voltage will differ from their average values. We can, however, extract their average values by
using low-pass filters. By defining the converter to include these filters, we create an interface
that produces the desired terminal variables.

Figure 5.3 shows switches as the shunt and series elements in our example converter,
connecting the dc input voltage, V; = 200V, to the dc output current, I, = 20 A. The switches

il (1 - D)T v
— X
Vi
DT +
|4 R < v2

_ {v2) -

DT T

Figure 5.1  The simplest form of a switching dc/dc converter.
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Figure 5.2  (a) A converter connecting two dc systems. (b) The minimal necessary topology for performing
the conversion function of (a).

operate at a constant switching frequency 1/T, and are controlled to be complementary. That
is, when one is closed, the other is open (so that a path is always provided for the load current
and the input voltage is never shorted). The waveforms of vg, and ug, show that switches .S and
S, are on for times DT and (1 — D)T, respectively, giving average values of

(us,) = (1= D)V; and {us,) = DVi.

Because (v,) = (us,) = 150V, we must control the switches so that D = 0.75. The average voltage
across the series switch is 50V, or the difference between the average input and output voltages
that we said was necessary when discussing Fig. 5.2. Similarly, we can show that the average
current in the shunt switch is the difference between the average input and output currents, as
required, or

(isy) = (i) ~ Lo = =(1 = D), = =5 A (5.1)

We assume that the input voltage contains no ripple. However, the input current contains
substantial ripple caused by switching, as shown in Fig. 5.3. Although the output current is
ripple-free, the output voltage is not. To obtain the desired ripple-free input current and output
voltage, we must insert low-pass filters at the input and output. In their simplest form, these filters
consist of a shunt capacitor at the input and a series inductor at the output. By making these
elements very large, small values of external network input impedance and output conductance
will result in acceptably small ripples in all the terminal variables. The resulting high-frequency
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Figure 5.4  Simplest topology for a high-frequency dc/dc converter with low-pass filtering at its ports.

dc/dc converter topology is shown in Fig. 5.4. We have not identified input and output ports,
because energy can flow in either direction, depending on how we control the switches.
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In many cases, we add additional energy storage elements to the external systems to enhance
filtering. For instance, if the external network connected to port 11" in Fig. 5.4 has a very low ac
impedance, C will have to be very large. However, if we increase the impedance of the external
network by placing an inductor in series with it, C can be much smaller. Similarly, if the external
impedance at port 2-2’ is very high, L will have to be large unless we place a capacitor in parallel
with the port to reduce its impedance. These additional elements on each side of the converter
make the filters second-order. Third-, fourth-, and even-higher-order filters are used if the need
to attenuate the ac components is great enough. These elements do not change the basic function
of the original capacitor and inductor, so we do not include them in the topologies of this chapter.

Average Value Analysis

The average values of currents and voltages in a circuit obey Kirchhoff’s current and voltage
laws (KVL and KCL), providing a straightforward analysis technique for determining the
relationship among average variables in converters. To illustrate, consider Fig. 5.4. Writing KVL
for the average voltages around the loop formed by vy, S1, vz, and v, gives
—{v1) + {vs;) + (vL) + (v2) = 0.
Recognizing that in a periodic steady state the average value of the voltage across an inductor is
Zero,
= (v1) + (vs;) + (v2) = 0.
Referring to Fig. 5.3, with (v() = V] and (v} = V3,
(vs,) = (1 — D)V
$O
-N+A-D)Vi+ V=0

Vy = DV.
A similar analysis can be done for the currents, recognizing that the average value of the
current through a capacitor in a periodic steady state is zero. Since the basic circuit has three
nodes, two KCL equations are required. We choose the nodes between S; and C, and Sy and S5:
(i1) — (is;) — {ic) =0,
(iS1> - (i52> + (12> - O’

(iy) = Iy = {ig; ),
() = = ({is,) — 11,
(is;) = (1 = D),
1

I = ——1I.
2 D
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Figure 5.7  The canonical switching cell, the basic building block of many high-frequency dc/dc converters.

The Canonical Switching Cell

We refer to the minimal practical dc/dc converter topology developed in Section 5.1 and shown
in Fig. 5.4 as the canonical switching cell." We redraw it symmetrically in Fig. 5.7, using a single-
pole double-throw switch, which satisfies the condition that the switches be neither on nor off
simultaneously. The canonical cell is the basic building block for many high-frequency switching
converters. The distinctions between these converters arise mainly from the way in which the
external systems are connected to the cell. These connections determine both the input/output
conversion ratios and the levels of current and voltage stress imposed on the cell’s components.

We may connect the three-terminal canonical cell of Fig. 5.7 between two dc systems in one
of three ways. The connections differ with respect to the cell node that we make common to both
ports. Because of the symmetry of the cell, however, the use of node A or B as a common node
results in indistinguishable topologies. Thus there are only two unique connections to consider.
If node A or B is common, the resulting topology is that of Fig. 5.8(a), which is identical to
Fig. 5.4. Figure 5.8(b) shows the topology that results from the use of node C as the common
terminal.

In the connection of Fig. 5.8(a), there is a direct dc path between the input and output ports
when switch S, is conducting. For this reason we call this a direct converter connection. In the
connection of Fig. 5.8(b), there is no dc path between the ports in any switch state. Therefore we
call this an indirect converter connection. The use of the names direct and indirect highlights the
essential difference among various specific high-frequency dc/dc converter circuits. The presence
of transformers or additional filter elements does not negate this distinction.

Direct Converter

We now consider the direct converter of Fig. 5.8(a) in detail. We are particularly interested in
the dc conversion ratio and the implementation of the switches. Note that we cannot define the

T E. Landsman, “A Unifying Derivation of Switching DC-DC Converter Topologies,” Power Electronics Specialists
Conference, IEEE, 1979, pp. 239-243,
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Figure 5.8  The two unique connections of the canonical cell between two dc systems: (a) a direct converter;
(b) an indirect converter.
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Figure 5.9  Waveforms of the switch variables vy, and iy for the direct converter of Fig. 5.8(a).

ports as input or output until we specify the semiconductor devices to be used as the switches,
and possibly the external networks and controls as well.

DC Conversion Ratio of the Direct Converter

In the discussion that follows we assume that L and C are large enough to eliminate switching-
frequency components from the terminal variables v1, ) and vy, i. Therefore we specify the ter-
minal variables using uppercase letters to indicate dc quantities. For example, i1(¢) = (i1(#)) =11.

The values of the conversion ratios, V5/V and —I/I;, depend on the duty ratio of the
switches, and we can determine them as above using average KVIL. and KCL relations, or from
the waveforms of vy, and i, shown in Fig. 5.9. Here we express the conversion ratios in terms
of the duty ratio D of the series switch. As the inductor cannot support an average voltage,
V, = (vy;) = DV). And as the capacitor cannot carry an average current, I) = (i,) = D(—I).
Solving these constraints for the conversion ratios gives
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Vs I 1

—V—I_D and I—l' -—-*'b". (54)
From (5.4) we can show that the average terminal powers are equal and opposite, that is, V1/} =
— V> I,. We expected this result because the ideal canonical cell is lossless. Note that we sill have
not specified the direction of power flow; the product ¥11; is not necessarily positive, and V1,
is not necessarily negative.

So far, we have assumed that the converter is switching at a constant frequency, 1/7, as we
vary D to control the conversion ratio. Known as constant frequency control, it is only one of the
ways by which we can operate the high-frequency converter. We can also control the conversion
ratio by turning the series switch on for a fixed time and varying its off time, called constant
on-time control. Alternatively, we could hold the off-time of the series switch constant and vary
its on time, called constant off-time control. Constant on-time and off-time control both result
in changes in the switching frequency as we vary the conversion ratio. In all three cases, the
conversion ratio depends only on the percentage of the period the switches are in one state or
the other, which represents a form of pulse-width modulation.

Because of the relationship between the two external voltages given by (5.4), the direct
converter has come to be known as either a buck (or down) converter or a boost (or up) converter,
depending on the direction of power; a buck converter has power sourced from the high-voltage
side (¥1), a boost from the low-voltage side (7). These are the common names when we discuss
these circuits, but they do not describe two separate converters. As we show in Section 5.3.2, the
desired directions of power flow only affect how we implement the switches.

Note that these names are based on how the voltages of the two external systems are related.
Although in many applications the voltage variable is of prime concern, in some situations
the current variable is more important. In these cases, the circuit we called a voltage buck
converter is actually a current boost converter, and the voltage boost converter is a current buck
converter. Thus the popular names of these circuits can be misleading unless you understand
the commonality of topology and function implied by the single (direct converter) connection
of the canonical cell.

Implementation of Switches and Power Flow

To determine the direction of power in a dc/dc converter, we generally need to specify switch
implementations, external networks, and the controls.

When we replace the generalized switches we have used so far with semiconductor devices, we
also constrain the directions of their current and voltage, depending on the device. The networks
external to the converter terminals may or may not be able to source or sink energy. And in a
situation where both the switches and networks allow bidirectional power flow, how the switches
are controlled determines in which direction it flows. Here we treat the simplest case in which
the switch implementation is sufficient to determine the direction of power flow.

The buck converter To illustrate how switch type can determine the direction of power flow,
let’s consider the direct converter of Fig. 5.8(a) operating in the buck mode. That is, power is
flowing from the higher-voltage side (¥7) to the lower-voltage side (72). In this case, V1 > 0,
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Figure 5.10 Voltage and current waveforms for the series and shunt switches in the direct converter of
Fig. 5.8(a) when it is operating in the buck mode: (a) series switch; (b) shunt switch.
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Figure 5.11  Switch implementation for the direct buck converter.

I > 0, V5 > 0, I, < 0; the switch voltages and currents are shown in Fig. 5.10, where the shunt
switch component of iy is designated as 7, (ix = —i; in Fig. 5.8(a)).

The current and voltage of the series switch, i, and v, are both positive, conditions satisfied
by a transistor. The current and voltage of the shunt switch, i, and vy, are of opposite polarities,
as are those of a diode. It may not be immediately apparent that an uncontrollable device is
suitable for the shunt switch. However, the diode is forced on and off by the series switch. When
the switch closes, V| reverse biases the diode, and when it opens, the continuity of current in L
forces the diode to conduct. The function and operation of the shunt switch is identical to that
of the freewheeling diode in the half-wave rectifier of Fig. 3.5.

The buck converter — with the series and shunt switches replaced by a transistor and diode,
respectively — is shown in Fig. 5.11. Although the integral diode in the MOSFET (known as the
body diode) would permit reverse current in the device, the shunt diode, being uncontrollable,
provides no means for reversing this current.

xample 5 2 . A Buck Converter w1th Common Posmves

At txmes we need'to connect two c system i ' t positive terminals are common. In 'thiSi 'ex;imple; ;
;?;we de31gn abuck converter for such an, apphcatlon ...
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The boost converter We now consider the switch implementation necessary to create a boost
converter. We choose the switches so that the power in the direct converter of Fig. 5.8(a) flows
from the lower-voltage side (73) to the higher-voltage side (V7). We do so by simply reversing the
polarities of either the terminal currents or the terminal voltages, relative to the buck converter
we just discussed.

If we choose to reverse the polarity of the terminal currents, leaving positive voltages V7 and
V5, the switch current polarities of Fig. 5.10 are reversed. In this case, the shunt switch becomes
a transistor and the series switch can be a diode. The result is the direct boost converter shown in
Fig. 5.14. Note that the controllable switch is now the shunt switch instead of the series switch.
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Figure 5.14  Switch implementation for the direct boost converter.
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Figure 5.15 A direct converter configured with MOSFETSs to provide bilateral terminal currents.

Direct converter with bilateral energy flow Bilateral power can be implemented in the direct
converter by replacing the diode with another MOSFET, as shown in Fig. 5.15. For operation
in the buck mode, that is, power flowing from V; to V>, Q; controls D, and and the body diode
of Q5 can function as the shunt element. However, when on, a power MOSFET can conduct
negative current, which makes it possible to synchronously control Q; so its current is conducted
through the channel, bypassing the body diode. The benefit of this is that the source-drain drop
is lower than it would be if the body diode were conducting, providing improved efficiency. For
power flowing from V5 to V7, that is, operation in the boost mode, O, controls D and Q) is
controlled synchronously. Using power MOSFETs in this manner is the basis of synchronous
rectifiers.

'l“ExampIe 5 3 Swntch Implementatlon for Bllateral Termmal Voltages

; Some apphcatlons of dc/dc converters requlre power to ﬂow in either direction.: Two examples are a dc’
~ motor thatis actlvely braked and 2 magnetic resonance 1mag1ng (MRI) machlne magnet ‘which mustcreate
a p1ecxse1y controlled time- varymg magnetic fi eld. In both cases the terrmnal voltages change sign but the
_ current polarities remain unchanged (due to the inability to create a step changeina magnetic field absent; i
a voltage 1mpu1se) in order to remove or mtroduce energy into the ‘magnetic field system ‘That is, with
”reference to Fig. 4.5(b), t the converters operate in quadrants I and IV as seen from their source terminals
(V1. 11). How do we implement the switches in a direct converter designed for such apphcatxons? -
- We again consider the direct converter switch variables of Fig 5.10, nottng that if the terminal currents '
;do not change sign, the sw1tches will still only be requlred to conduct in one direction. However, because
 the direction of | power is reversed by mvertmg the terminal voltages, the sw1tches must now be capable of
_;blockmg both voltage polantxes A switch made up of a diode in series with a transistor has the requn‘ed :
characteristic, and the resultmg bilateral dlrect converter is shown in Fig. 5. 16 Note that we must now
control both switches e‘rphcltly and make sure that they are not oﬂ" 51multaneously However ‘when energy
: ,ﬂows from Ieft to nght that ls, when we are supplymg energy to the magnetlc system and operatmg 1n'
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About the Duty Ratio

In Section 5.1 we defined the duty ratio for the direct converter as the fraction of the switching
period during which the series switch is on. Actually, common practice is to define the duty
ratio as the fraction of the period during which the controllable switch (the transistor) conducts,
regardless of whether it is in the series or shunt position. When we use this definition for D, (5.4),
written for the boost converter of Fig. 5.14, becomes

—=1-D and = =——-—. (5.5)

We sometimes refer to the quantity 1 — D as . We also commonly express the conversion ratio
for a de/dc converter in the form of the output over the input. Therefore we can write the voltage
conversion ratio for the boost converter as

Vout 1 v 1
=T D (5.6)

Finally, the conventional conversion ratio expressions are ambiguous when power can flow in
either direction, because we cannot label either of the external systems as the input or the output,
and both switches are controllable. In this case we normally use the terms and expressions that
are appropriate for the direction power is flowing at the time.
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Indirect Converter

The indirect converter connection of the canonical cell is shown in Fig. 5.8(b). As you will see in
this section, the indirect converter exhibits operating characteristics that are very different from
those of the direct converter just discussed. *

The DC Conversion Ratio of the Indirect Converter

An important distinction between direct and indirect connections of the canonical cell is the
relative polarity of their actual (measured) terminal voltages and currents, as defined in Fig.
5.8. The voltages are of the same polarity in the direct connection, but they are of opposite
polarities in the indirect connection. In contrast, the terminal currents are of opposite signs in
the direct converter, but are of the same sign in the indirect converter.

We can derive the polarity relationships between the terminal variables of the indirect
converter of Fig. 5.8(b) by considering the inductor voltage and the capacitor current. The
voltage across the inductor is ¥; when switch S, is closed and ¥, when Sy is closed, so one
of these two voltages must be positive and the other negative to satisfy the condition that the
average inductor voltage be zero. Similarly, the capacitor current is —I, when Sk, is closed and
I; when S is closed, so both I; and I, must be of the same polarity to satisfy the condition that
the average capacitor current be zero.

If we leave switch S, on for a long time, both ¥, and I; become zero, regardless of the values
of V; and I,. Therefore both the ratios V3/ V| and I /I become zero. However, if we leave switch
Sky on for a long time, these ratios become minus and plus infinity, respectively. As we inferred
for the direct converter, when the two switches are alternating, these ratios will be somewhere
between their two extremes. For the indirect converter, the magnitude of the conversion ratio
ranges from zero to infinity, compared with zero to one or one to infinity for the direct converter.

The simplest way to determine the exact dependence of the conversion ratios on the duty
ratio is to set the average inductor voltage to zero by balancing its positive and negative volt—
time integrals. If we define D to be the fraction of the switching period T during which Sy is
closed, the average inductor voltage is zero when

V\DT = V(1 — D)T,

which gives a voltage conversion ratio of
V. D
L (5.7)
| 4] 1-D
Similarly, we can determine the current conversion ratio by setting the average capacitor current
to zero, that is,

LDT = I1(1 — D)T,

which gives a current conversion ratio of
L 1-D
S = — 5.8
7 ) (5.8)
We can also obtain (5.8) from (5.7) by setting the net power into the converter to zero.
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Figure 5.17 Switch implementation for the indirect converter with power flowing from left to right and
Vy > 0 (implying 1] and I; are also > 0).

We commonly refer to the indirect converter as a buck/boost converter, because the output
voltage (or respectively current) can be higher or lower than the input, for either direction of
power.

Implementation of Switches

If we consider the switch voltages and currents as we did for the direct converter, we can
determine appropriate semiconductor devices to use for the indirect converter under different
conditions. Again, we must specify the direction(s) of power flow and the polarity of one of the
terminal voltages or currents. For power flowing left to right in the circuit of Fig. 5.8(b) (there
is no higher or lower voltage side in the indirect converter) and ¥ > 0, switch S, conducts
positive current and blocks positive voltage (note that ¥, < 0 for the assumed conditions on
power and V7). Therefore this switch can be a transistor. Switch S, on the other hand, conducts
positive current but blocks negative voltage, which are conditions met by a diode. The resulting
indirect converter circuit is shown in Fig. 5.17. ‘

. tch impfeﬁieﬂta n for | ow
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5.4.3 A Variation of the Basic Indirect Converter Topology

There is an important variation of the basic indirect converter topology. This variation leaves
the conversion ratios given by (5.7) and (5.8) unchanged, and the voltage and current waveforms
at the semiconductor devices are unaffected. The only thing that we change is deployment gf the
capacitor to filter the high-frequency switch currents.

The capacitor and inductor in the indirect converter of Figs. 5.17 and 5.18 perform their high-
frequency filtering functions in the following ways. The ac components of the switch currents
must circulate through C to prevent their appearing at the terminals. But note that because we
can model L as an open circuit at the switching frequency, the series connection of the external
networks is in parallel with C. Therefore the high-frequency impedance of C must be much
smaller than the sum of the high-frequency impedances of the external networks. Similarly,
the ac components of the switch voltages must appear across L if they are not to appear at the
terminals. In this case, we model the capacitor as a short circuit at the switching frequency, which
results in the parallel connection of the two external networks appearing in series with L. Thus
the high-frequency impedance of L must be much larger than the parallel combination of the
high-frequency impedances of the external networks. (We derive these conditions in more detail
in Section 5.6.)

The implications of these conditions are: if the capacitor is to be of reasonable size, at least
one of the external networks must have a high ac impedance; if the inductor is to be small, at
least one of the external networks needs to have a low ac impedance. In the ideal case, one of
the external systems has a high ac impedance and the other a low one.

Unfortunately, both external systems often have a large impedance, particularly when the
switching frequency is high, and long (inductive) connection wires are used. Under these
conditions the inductor may be unreasonably large. However, if we modify the topology by
placing an additional capacitor across one of the two ports, as shown in Fig. 5.19(a), we make
one of the external systems appear to have a low ac impedance. Note that the purpose of this
capacitor Cj is to allow most of the ac switch voltage to drop across a reasonably sized inductor.
This capacitor does not help the original capacitor Ci; filter the ac switch current. This switch
current continues to flow through Cj,, because one of the two external systems still has a large
ac impedance.

At the switching frequency, the three nodes of the canonical cell are shorted together by
the two capacitors of Fig. 5.19(a). We can achieve the same result with the arrangement of
capacitors shown in Fig. 5.19(b). If we treat the inductor as an open circuit at the switching
frequency, we can see that both capacitors now help filter the ac switch currents. Each carries the
full ac switch current if its ac impedance is small compared to the impedance of its corresponding
external system. However, across each appears a dc voltage equal only to that at its port, rather
than the sum of the terminal voltages, which is what the capacitor in the indirect topology of
Fig. 5.16 must withstand. Each of the two capacitors is therefore smaller than the original. In
fact, under certain assumptions, we can show the sum of these two capacitors’ peak energies
to be equal to that of the original capacitor (see Section 5.6.5). Using the names upldown or
buck/boost to identify a converter circuit usually implies the circuit variation of Fig. 5.19(b). In
practice the configuration of Fig. 5.19(b) is preferred to that of Fig. 5.18(a) because it eliminates
capacitive coupling between the two converter ports.
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®)

Figure 5.19  Variations of the basic indirect converter topology to provide ac terminal voltage filtering for
two external networks having high ac impedances. (a) Addition of capacitor C; to the basic
indirect topology. (b) Alternative placement for the capacitors in (a). This circuit is commonly
referred to as the buck/boost converter.

Other PWM DC/DC Converters

There are numerous other PWM dc/dc converter topologies and variants. These can be arrived at
through circuit transformations on canonical cell converters (e.g., through topological duality,
addition and rearrangement of components, and addition of circuit blocks); as realizations of
the polarity of other, more complex, canonical cells; through intuition; and even by exhaustive
search. In this section we introduce two of the more useful and widely applied such topologies.
We illustrate both techniques that can be used to synthesize a topology suitable for a particular
goal, and methods that can be used to analyze any such topology.

Cuk Converter

Consider further the canonical cell indirect converter of Fig. 5.17. When both external systems
have a low ac impedance, an inconveniently large capacitor must be used to remove ac ripple
from the terminal currents. We can, however, increase the impedance of one of the external
networks by placing an inductance in series with it, such as L; in Fig. 5.20(a). This approach
results in a return to the ideal situation in which an indirect converter interfaces one high- and
one low-impedance dc network. Although we can now reduce the size of the cell capacitor, this
additional inductor has no influence on the size of the original cell inductor L;,. The parallel
impedance of the two external systems is still low because at least one of them has a low ac
impedance, so most of the ac switch voltage will still appear across Lis. So far we have simply
traded off capacitor size for an additional inductor.
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Figure 5.20 Indirect converter topology variations designed to provide ac terminal current filtering for two
external networks having low ac impedances. (a) Addition of inductor L to the basic indirect
converter topology. (b) Alternative placement for the inductor in (a). (¢c) The circuit of (b)
redrawn in the form commonly known as the Cuk converter.

Of the three branches stemming from node C in Fig. 5.20(a), two have inductors that, if they
have been properly sized to eliminate ac voltage ripple from the converter terminals, we can
model as open circuits at the switching frequency. Therefore the ac current flowing through the
third branch is also zero. We can achieve the same result if we arrange the two inductors as L
and L,, shown in Fig. 5.20(b). Now both inductors contribute to filtering the ac switch voltage.
Each must have an ac impedance that is large compared to the impedance of its corresponding
external system. But each carries only the terminal current rather than the sum of the terminal
currents that L1, must carry. Therefore each inductor is smaller than L;,. For the same ripple
currents, the sum of the peak stored energies in these two inductors is equal to the peak energy
in Ly».

Figure 5.20(b) shows the inductors connected in series with the negative terminals of the con-
verter; however, positioning them in series with the positive terminals, as shown in Fig. 5.20(c),
is more practical. This arrangement changes nothing functionally, but it results in a circuit node
common to the input, output, and source of the transistor, which is both convenient and often
required. This variant of the indirect converter is commonly known as the Cuk converter. Tt
is worth noting that one can also arrive at the Cuk converter by applying topological duality
techniques to the indirect converter of Fig. 5.19(b).

The Cuk converter has some attractive features, starting with the desirable filtering properties
described above. In addition, it employs a switch referenced to circuit common, which can
greatly simplify level shifting, gate drive, and sensing. Moreover, the two inductors of the Cuk
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converter can sometimes be wound on the same core and/or coupled magnetically to improve
filtering of input or output waveforms (at the expense of design complexity and manufacturing
requirements). In part because of these features, the Cuk converter has found use despite having
a higher magnetic component count as compared to the conventional buck/boost convgrter.

SEPIC Converter

Here we introduce another widely used indirect converter topology, the “Single-Ended Primary
Inductor Converter” known as the SEPIC. It is essentially a cascade of a boost and buck/boost
converter using common switching elements. If we take the direct boost converter of Fig. 5.14
and insert a voltage source equal to the input source value V; between the switch and the diode,
as shown in Fig. 5.21, the conversion ratio can be calculated by setting the average value of the
inductor voltage vz, to zero. The result is

D
Vo=V (1—_‘5) . (5.9

That is, we now have the conversion ratio characteristics of a buck/boost converter but without

voltage inversion. We would like to replace the inserted source with a capacitor, but as the circuit
is presently configured, the diode current, which has a dc component, passes through the source.
Simply replacing the source with a capacitor is prevented by the presence of this dc current.
However, if we can provide an appropriate shunt component between the capacitor and the
diode to carry the diode’s dc current component, a capacitor would function as did the source.
We note that the average voltage between the source-diode node and ground, (vy), is zero, so this
shunt element must carry a dc current without producing a dc voltage. These two requirements
are satisfied by an inductor. The resulting circuit is shown in Fig. 5.22.

We now calculate the conversion ratio of our new circuit to see if our replacements for the
source do what we expected. Recognizing that the average inductor voltages in periodic steady
state must be zero, we get v¢c = V;. Since the average voltage across Ly over the cycle must be
zero in periodic steady state,

DVi+ (1 - D)(—V,) =0, (5.10)
NI\Irlv\ m S
+ VL — \i/ + A
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Figure 5.21 The boost converter of Fig. 5.14 with a voltage source of value V; inserted between the diode
and the switch.
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Figure 5.22 The SEPIC converter.

which yields the result sought above:

D
Vo= oD

V. (5.11)

The SEPIC converter, which we developed from the direct connection of the canonical cell,
is an indirect converter. Its primary advantages over the buck/boost converter of Fig. 5.19(b)
are that the input and output voltages are not inverted, and that the MOSFET is referenced
to ground. Its disadvantages are that since all the energy is transferred through the coupling
capacitor, this capacitor is quite large and must be rated to carry high currents. Also, the circuit’s
four energy storage elements make control of transient deviations from periodic operation more
of a challenge. (As we’ll see in Part II, the transfer functions needed for control design will have
four poles.)

There are, of course, other means to achieve a non-inverting buck/boost function, such as
by cascading a buck and a boost stage to form a four-switch buck/boost converter, as explored
in Problem 5.14. Such an approach requires more switches (not all ground referenced) than
a SEPIC converter, but requires only a single magnetic component. Part of the art of power
electronics design is selecting a topology (from among myriad possibilities) that best meets the
design requirements in a particular application. It is thus important to be able to both analyze
and synthesize designs to meet a particular goal.

Choice of Capacitor and Inductor Values

So far in our discussion of dc/dc converters, we have assumed that the high-frequency filter ele-
ments (e.g., L and C of the canonical cell) are “large enough” to reduce the switching-frequency
ripple in the terminal variables to an acceptable level. We now consider the specification of
these components in more detail, assuming a second-order filter, that is, a single capacitor and
inductor. This subject is important because the physical size of a converter is sfrongly influenced
by the size of its energy storage elements. Furthermore, comparisons among different converter
circuits are often based on ripple amplitude for a given amount of energy storage. In this section
we discuss the source of ripple in terminal currents and voltages, develop models for analyzing
ripple for various converter topologies, and specify the relative sizes of L and C for direct and
indirect converters.
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In a typical power circuit the filter elements are made large enough to limit ac ripple in the
terminal variables to small values. As a result, the capacitor is nearly an ac short circuit and
the inductor nearly an ac open circuit. In what follows, therefore, we make the simplifying
assumptions that the inductor is an ac open circuit when discussing ripple current, and the
capacitor is an ac short circuit when discussing ripple voltage. These assumptions pérmit us
to make straightforward first-order estimates of the ripple in the terminal variables.

Ripple-Frequency Model for the Direct Converter

We first consider the source and distribution of ripple current in the direct converter of
Fig. 5.8(a), repeated here as Fig. 5.23(a) for convenience. With L assumed to be an open circuit
at the ripple frequencies, there is no ripple in iz, and the ac components of i, and i, must be equal
and opposite. We designate the ac component of i, as #,,. For the purpose of calculating the ripple
component of i;, denoted by 7}, we now replace the circuit to the right of C'in Fig. 5.23(a) with an
equivalent current source of value i;,. The resulting ripple-current model is shown in Fig. 5.23(b).
Note that the ripple current ] depends on how #, divides between C and the impedance of the
external network, Z;.
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Figure 5.23 (a) The direct converter connection of the canonical cell. (b) First-order ripple-current model.
(c) First-order ripple-voltage model for this converter.
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We now develop a model that we can use to calculate the ripple voltage at port 2 of the
direct converter. Based on the assumption that the capacitor is an ac short circuit at the
switching frequency, the ac component of the voltage vy, which we denote by v/, is as shown
in Fig. 5.23(c). We now replace the circuit to the left of L in Fig. 5.23(a) by an equivalent voltage
source of value v/,. The resulting ripple-voltage model is shown in Fig. 5.23(c). We calculfte the
first-order voltage ripple at port 2 by dividing v/, between the impedance of L and that of the
external network Z,.

5.6.2 Ripple-Frequency Model for the Indirect Converter

For the indirect converter of Fig. 5.8(b), repeated here as Fig. 5.24(a), the interactions of the
capacitor and the inductor with the impedances of the external systems are more complicated
than they are for the direct converter. In the direct converter, the high-frequency impedance

vo = (V1 — Va)
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Figure 5.24  (a) The indirect converter connection of the canonical cell. (b) First-order ripple-current model.
(c) First-order ripple-voltage model.
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of only one external system influences the filtering effectiveness of the L or C in the canonical
cell. For the indirect converter, we must simultaneously consider the impedance of both external
systems to determine the ripple in the terminal variables.

We first consider the effect of capacitor value on the terminal ripple currents. We assume that
the inductor is large enough for its ripple current to be negligible, permitting us to treat it as
an infinite impedance (open circuit) at the switching frequency. Again, #, = —7,. The result is
the switching-frequency ripple-current model shown in Fig. 5.24(b). We derive the waveform of
i, by recognizing that the inductor current is I + I and is switched back and forth between
nodes y and z. The ac current Z, has two paths through which it can flow. One is through the
capacitor, and the other is through the series connection of the two external system impedances.
Therefore the high-frequency impedance of the capacitor must be small compared to the sum of
the external impedances, Z1 + Z, if we are to keep the switching-frequency current from flowing
through the external network. The ripple current that does show up at the converter terminals
has the same amplitude at both ports.

Now we consider the requirements on the inductor, assuming that the capacitor is large
enough that its voltage ripple is negligible and the capacitor can be treated as a short circuit in
the switching frequency model. This assumption forces v}, = v,, putting nodes y and z at the
same potential in the ac model. We can therefore connect these nodes, and in turn connect them
to the inductor through a source of value v}, creating the voltage-ripple model of Fig. 5.24(c).
(In deriving the waveform of v;x, you should remember that if V; > 0, then V, < 0 for the
indirect converter.) The source v}, is in series with the inductor and the parallel combination of
the two external network impedances. Therefore the high-frequency impedance of the inductor
must be large compared to that of Z; and Z; in parallel if the switching-frequency voltage is
not to appear at the converter terminals. To the extent that it does appear, the ripple voltage is
the same at both ports.

Minimum L and C for the Direct Converter

Up to this point we have assumed that L was large enough that its current could be considered
constant, and that C was large enough that its voltage could be considered constant. We now
address the problem of determining how large L and C have to be in order to justify these
approximations. Any ripple in ir or v¢ shows up directly as first-order ripple in i, or v,
respectively, in Fig. 5.23(a). It would have a second-order effect on 7} or vy by adding ripple
to the flat portions of the waveforms of the ripple sources #, and vy, in Fig. 5.23(b) and (¢).
Another reason for calculating the first-order capacitor voltage and inductor current ripples
is that they are independent of the external system impedances. The values for L and C that
result from specifying a maximum ripple are thus parameters that we can compare for different
converters without regard to the external systems.

In the calculations that follow we again use the first-order approximations that i; & I; when
calculating the ripple in v1, and v, &~ ¥V for calculating the ripple in /. When the series switch is
off in the direct converter of Fig. 5.23(a), the current flowing into the capacitor is /;, and during
this interval (of length (1 — D)T') the capacitor voltage v; will increase, giving a peak—peak ripple
amplitude of
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1 4=DT L -D)T
Avy = _/ g =11 =DT (5.12)
C
During this same interval, the voltage across the inductor equals V>, and the inductor current
ir = —ip decreases by an amount equal to its peak-peak ripple amplitude: +
1 4-o7 Vo(1 = D)T
——-AiL=Al'2=——/ Vzdl.‘:—L—i—. (5.13)
L Jy L

With specified limits on the terminal current and voltage ripple amplitudes A and Avy, we
can use (5.12) and (5.13) to determine minimum values of L and C:

L -D)T
C> L._D_?_, (5.14)
Av
Vo(1 — DYT
> 21 -DT (5.15)
A

After we have determined values for L and C from these expressions, we can determine the
maximum energy stored in each element, which is useful because the stored energy is an
indication of the element’s size and cost. To express the stored energy in a useful way, we
first define the ripple ratios R¢ and Ry for the capacitor voltage and the inductor current,
respectively. These are the ratios of the peak ripple amplitude to the dc (average) value of the
capacitor voltage and inductor current, or

Avy/2
Re = , 5.16
c 7z (5.16)
Ry = 22/2, (5.17)
L

By combining (5.14) with (5.16), and (5.15) with (5.17), we can find the minimum peak stored
energy in the capacitor and inductor:

1. (1=D\ [P\ (1+Re)}
re=3%,= (7) () 519

1 1-D 1+ R
s-s3t - () (7) == 1

In these expressions, f; is the switching frequency 1/T’; V1, and I, are the peak values of the
capacitor voltage and inductor current, respectively; and P, is the average power of the converter,
that is, P, = I V] = —I,V>. The value P,/f; is the amount of energy transferred from input
to output during one cycle of the switching frequency. As we decrease the power or increase
the switching frequency, the energy storage requirement goes down. Equations (5.18) and (5.19)
show that, for a fixed ripple ratio, as the value of 1 — D gets larger, the peak energy storage
gets proportionally larger. Therefore, as the difference between the input and output voltage or
current becomes greater, the energy storage requirement increases proportionally.

,Example 5 5 Specnfymg L and c Val es for a Direct Cor

~," ‘ The c1rcmt of F1 25.25(3) shows a dlrect (buck) converter between a source of 101 V havmg an mternal
: e:remstance of 0. 5Q,a resistive loadof 29, and a load voltage of 20 V. What values of Land C will ensure
ithat the mput and output currents have rlpples w1th peak-to—peak amphtudes of no more than 5% of therr ,
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We can now calculate the ﬁrst-order npple kn the termmal voltages' Because the load rs resrstlve the

In practlce one would mclude a capamtor at the output to reduce the srze of the mductor and to provrde

Minimum L and C for the Indirect Converter

We use the same approach to determine the capacitor and inductor values for the indirect
converter of Fig. 5.8(b). The resulting values of L and C are

VDT
> (5.21)
Air,
(1 —D
C> u (5.22)
Ave

In the indirect converter the average capacitor voltage is the sum of |Vi| and |V>|, and
the average inductor current is the sum of {I;| and |I5|. Expressed in terms of these terminal
variables, the ripple ratios for the capacitor and inductor are:

Avc/2
= 5.23
Vil+ 173 62
Aip )2
e 5.24
ECIEA ©29
We can again express the peak stored energy in the capacitor and inductor in terms of the ripple
ratios:
1 (1 +Re)?
Eq = - 5.25
o=(3) (%) = 29
1 (1+ RL)2
E; = e 5.26
L= ( > <fs ) RL (526

Note that, unlike for the direct converter, these storage requirements do not depend on the duty
ratio. We can again minimize them by choosing a ripple ratio equal to unity.

The peak energy storage requirements of the indirect converter are typically larger than they
are for the direct converter. Only when the direct converter operates at a duty ratio near zero
are they equal. For example, at an operating point of D = 0.5 for the direct converter, the
indirect converter requires twice as much storage. Indirect conversion also imposes increased
semiconductor stresses in a converter, as detailed below.
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Calculations for the Buck/Boost and Cuk Converters

The buck/boost and Cuk variations of the indirect converter use two capacitors and two
inductors, respectively. For these converters we compare the total capacitive or inductive peak
energy storage requirements to the corresponding values calculated for the indirect coftverter.
The requirement placed on the inductor in the buck/boost variant is the same as that for the
inductor in the basic indirect converter. The requirements on the capacitors in the Cuk variant
and the basic circuit are identical. Let’s consider the buck/boost circuit of Fig. 5.19(b).

The terminal voltage ripples in the indirect converter are related by the relative sizes of
the external impedances connected to the two ports of the converter, as discussed in Section
5.6.2. In the analysis that follows, we assume that the ripple amplitudes at the two ports are
proportional to their dc voltages. That is, the ripple ratio at each port is the same as the ripple
ratio of the capacitor in the basic indirect converter against which we are comparing the stored
energy requirements of the buck/boost variant. As a result, the two capacitors in the buck/boost
converter each have ripple ratios equal to that of the single capacitor in the basic indirect
converter, or R¢.

In the buck/boost circuit of Fig. 5.19(b), the capacitor at the left-hand port, Cy, is charged in
the same way as the capacitor in the direct converter. It therefore stores the same peak energy,
which is given by (5.18):

1-D Po) (14 Re)?
Eo = — ) ——=_, 5.27
“ < 4 > (fs Re 627
The ripple voltage on C; is
DTI
Ave, = —2, (5.28)
&)
giving a minimum capacitance of
DTl
Cy>—=, 5.29
22 5y (5.29)
The resulting peak energy stored in C; is
D\ (P,\ (1 +R¢)?
Ec,=— )~ )——n. 30
@ (4)(fs> Rc 30

The sum of E¢, and E, is exactly equal to the peak energy stored in the single capacitor of the
basic indirect converter and given by (5.25).

A similar analysis done on the Cuk variant of the indirect converter shown in Fig. 5.19(c)
gives the same results. That is, the total energy storage requirement is identical to that for the
basic indirect converter if we postulate the same ripple requirements at the ports — current ripple
in this case.
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Semiconductor Device Stresses

Semiconductor switches must be rated to carry the peak current I, and withstand the peak
voltage V), presented to them by the power circuit. These ratings not only affect the cgst of
a switch, but they also affect various device performance parameters, such as storage time,
current gain, and switching speed. Therefore they are meaningful parameters for comparing
the attributes of different circuits. The product of the two peak stresses V1, is frequently useful
for making comparisons among the various topologies. We call this product the switch-stress
parameter.

For both the direct and indirect converters of Fig. 5.8, the peak voltage at the switches is
equal to the maximum capacitor voltage. Similarly, the peak current carried by either switch is
equal to the maximum inductor current. In the case of the buck/boost variant of the indirect
converter of Fig. 5.19(b), the peak switch voltage is the sum of the two peak capacitor voltages.
For the Cuk variant of Fig. 5.20(c), the peak current is the sum of the two peak inductor
currents.

For the direct converter circuit of Fig. 5.8(a), the stress parameter for both switches is

A+Re)A+RL)

Vplp =V +Re)(1+Rp) =P, D (5.31)
For the indirect converter of Fig. 5.8(b), the stress parameter is
Vply = (IV1l + 72D + Re)(N ] + 12D + Re)
(1+Re)1+RL) (5.32)

=Po D(1 - D)

Note that for both converters, the stress parameter is smallest when the conversion ratio
is unity, that is, when D=1 in the direct converter and when D=0.5 in the indirect
converter.

We call the switch-stress parameters normalized to the power P, the switch-stress factors.
Figure 5.26 shows them for both direct (buck or boost) and indirect converters under the
condition of zero ripple ratios. We need to plot only the stresses for output-to-input voltage
ratios between zero and one because of circuit symmetry. We obtain the switch-stress factors for
ratios between one and oo by exchanging the input and output roles of the ports. For example,
the factors for a conversion ratio of 2.5 are the same as those for a conversion ratio of 0.4
(= 1/2.5). When the conversion ratio is unity, the stresses on the switches in the indirect converter
are four times greater than they are for the direct converter. At a 50% conversion ratio, the
difference is more than 2. Even at a 25% ratio the difference is greater than 1.5. Clearly, we
would not choose to use an indirect converter unless we needed either a negative output voltage
or both buck and boost conversion ratios from the same converter. The relative energy storage
requirements for the two converters, as derived in Sections 5.6.3 and 5.6.4, also support this
decision.
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Figure 5.26  Switch-stress factors for direct and indirect converters.

Three-Level Flying-Capacitor Converter

If large variation of the conversion ratio is necessary, both the energy storage requirements and
switch-stress factors can be reduced by varying the converter input voltage to avoid extreme
duty ratios. One circuit technique for accomplishing this is through the use of mulsi-level power
conversion. An example of this is the flying-capacitor multi-level (FCML) converter, a three-
level version of which is shown in Fig. 5.27(a). The FCML itself is just one of a whole variety of
multi-level converters that attain improved performance and reduced individual device stresses
at the cost of increased complexity. Multi-level conversion will be further treated in Chapters 8
and 9, as it is often employed in the context of dc/ac inverters.

The circuit of Fig. 5.27(a) can have four possible switch states Sy ,, where the subscripts
indicate which switches are closed. These states yield four different voltages vy:

state 1 S12:vg =V,

state 2 S3.4:v9 =0,

state 3 S13ivg=Vi— Ve,
state 4 Sr4tvg=Ve.

If V¢ is controlled to be V;/2, states 3 and 4 produce V;/2 and the filter input voltage can be
Vae, Vi/2, or 0. The converter can thus be operated to produce four different waveforms for vy,
as shown in Fig. 5.27(b).

Switching between states 1 and 2 produces a conventional buck converter. However, for V, <
Vi/2, considerable performance improvement can be obtained by employing the flying capacitor
to reduce the voltage at the filter input to 7;/2 and switching among states 1, 2, 3, and 4 as
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Figure 5.27 (a) A flying-capacitor buck converter producing an output voltage V. (b) The three possible
voltages vy if Vi = V;/2.

shown in the middle waveform in Fig. 5.27(b). Alternating between states 1,3 and 2,4 assures
C is charged and discharged equally to maintain V¢ = V;/2. In this operating mode the filter
sees twice the switching frequency of the individual switches and Avy = V;/2. Compared to
a conventional buck converter with an output voltage < V;/2, the three-level flying-capacitor
converter produces. twice the ripple frequency and half the inductor ripple voltage. The result
is a smaller inductor for the same output ripple current. And although there are four switches,
each changes state only twice per period T, as do the switches in a conventional buck. However,
each switch sees V;/2, not V;, so switching losses are reduced by half per switch, giving total
switching losses comparable to those of the conventional converter. If V¢ can be precharged to
Vi/2 without subjecting the devices to V; at start-up, the switches can be rated for V;/2 instead
of V;, further reducing losses, as lower-voltage devices with lower Rygon) can be used. Because
of these advantages and despite their complexity, flying-capacitor multi-level converters have
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Figure 5.28 The circuit of Fig. 5.27 with switch implementations for (a) a buck converter and (b) a boost
converter.

found uses in applications from low-voltage integrated CMOS power converters to high-voltage
industrial machine drives.

Theoretically, V¢ is maintained at its preset voltage by the charging symmetry of states 3
and 4, but any variations in switch timings or device rise and fall times will cause V¢ to drift from
its setpoint value. Therefore, some means to maintain V¢ = V;/2 must be provided. Feeding
back V¢ to control the relative on-times of states 3 and 4 is one technique frequently employed.

Although the circuit shown in Fig. 5.27 is a buck converter, depending on the switch
implementations it can also be configured as a boost converter, as shown in Fig. 5.28.

Flying capacitors can also be used to produce multiple levels in dc/ac inverters, as discussed
in Chapter 8. In addition they are the foundation of switched-capacitor converters presented in
Chapter 6.

Converter Operation with Discontinuous Conduction

So far we have implicitly assumed that the peak inductor current ripple was smaller than the
dc component of the inductor current. The total current therefore was always positive, and the
diode was forced to be on when the transistor was off. However, if the dc component of the
current is smaller than the peak ripple, the total current will fall to zero during the time when
the diode is on, that is, during the period 1 — D. The diode will then turn off, and the inductor
current will remain zero until the transistor is turned on again. When this sequence occurs, we
say that the converter is operating in the discontinuous conduction mode (DCM).

Figure 5.29 shows the current and voltage waveforms of the direct converter of Fig. 5.11
operating in DCM. In drawing these waveforms, we assumed an additional capacitor across
the output terminal pair, so that v, is constant at V. Note that when the inductor current
is zero, the voltage across the inductor is also zero, and the diode is reverse biased by the
voltage vy, = V3. The average output voltage (which in this case is ¥73) is still equal to (vy),
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Figure 5.29 Waveforms of iz, and vy, for the buck converter of Fig. 5.11 operating in the discontinuous
conduction mode.

but its value in this mode of operation is higher than (5.4) predicts for the continuous
conduction mode.

In practice, owing to switch and other capacitances, the voltage at the switch node x in Fig.
5.11 can ring with the inductor during the portion of the cycle when both switches are off. This
can be a practical concern as regards electromagnetic interference (EMI), and is considered a
disadvantage of DCM operation.

For the direct converter operating in continuous conduction, the voltage across the inductor
is set at all times by the state of the switches. The average of this voltage must be zero, so the
duty ratio specifies, by (5.4) and (5.5), the input/output conversion ratios. In discontinuous
conduction, however, the inductor voltage averaged over a switching cycle is always zero,
independent of D. The reason is that discontinuous conduction, by definition, ensures this
condition. Therefore the duty ratio does not directly control the voltage conversion ratio.
Instead, given ¥} and V3, the duty ratio controls the average current in the inductor, and hence
the dc components of i and iy, or I} and I». That is, in discontinuous conduction the current and
voltage conversion ratios are functions of the duty ratio, but the functional dependencies are not
those of (5.4). We must specify the external systems in order to determine these conversion ratios.

: ‘Example 5 6 Dlrect Converter m Dlscontmuous Conductton

. The converter of an’ 5 30 1s operatmg in DCM and supplymg a constant voltage V2 to a resxstlve load m ‘

~ Figure 5.30 A buck converter analyzed under the condition of discontinuous conduction.
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Designers often avoid operation in DCM, at least under nominal conditions. One reason is
that the peak rms current stresses on the semiconductor devices are high compared to their
values in a converter operating at the same power level in the continuous conduction mode. If
the load varies over a wide range, however, the converter may enter the discontinuous mode at
the low-power end. When this happens, the response of the converter to changes in the duty ratio
is altered. In this case, we must make sure that the control circuit continues to work properly.

Positive aspects of DCM operation include the fast transient response resulting from the
small inductor value and high ripple, simplified converter dynamics due to the inductor current
returning to zero each cycle, and the very wide power range that can be spanned with a small
inductor.

Notes and Bibliography

The evolution of the canonical cell is described in [1]. Landsman’s approach is insightful and clear, and
the paper represents the first time the fundamental similarity among various dc/dc converter topologies is
identified; subsequent papers have identified and applied other, more complex, canonical cells to realize
de/de converters. An excellent coverage of topologies and all sorts of variations on them can be found in
[2], which reflects Severns’ extensive practical experience with delde converters. Mitchell’s book [3] does a
more concise job of treating circuits and is more mathematical than [2]. It also presents a good discussion
of control of dc/de converters. The Cuk converter was first presented in [4]. The flying-capacitor multi-
level converter was first presented in [S]; for this reason, the FCML is sometimes called a “Meynard
converter.”

1. E. Landsman, “A Unifying Derivation of Switching de-dc Converter Topologies,” in IEEE Power
Electronics Specialists Conference (PESC), pp. 239-243, 1979.




Problems 109

2. R.P Severns and G. Bloom, Modern DC-to-DC Switchmode Power Converter Circuits, New York: Van
Nostrand, 1985.

3. D. M. Mitchell, DC-DC Switching Regulator Analysis, New York: McGraw-Hill, 1988.

4. R.D. Middlebrook and S. Cuk, “A New Optimum Topology Switching dc-to-dc Converter,” in JEEE
Power Electronics Specialists Conference ( PESC), pp. 160-179, 1977. *

5. T. A. Meynard and H. Foch, “Multi-Level Conversion: High-Voltage Choppers and Voltage-Source
Inverters,” IEEE Power Electronics Specialists Conference ( PESC), pp. 397-403, 1992.

PROBLEMS

5.1 Proceeding along the lines of Example 5.1, determine the amplitude of the ripple on the
voltage v, in Fig. 5.31. Assume that the input capacitor C is large enough that the input
voltage is constant at value ¥; and that the Norton equivalent resistance Ry of the external
load network is small.
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Figure 5.31 The dc/dc converter whose output voltage ripple is calculated in Problem 5.1. k

5.2 Figure 5.32 shows a buck converter supplying 5V to a load of 0.1 Q from a 25V source
having an internal resistance of 0.2 Q. Determine the duty ratio D at which the converter g
is operating. ’

020
MV $—— VY
lel +
—
25V -~ 5V §0.1Q

\

Figure 5.32 The buck converter whose operating duty ratio is calculated in Problem 5.2.

5.3 With reference to Fig. 5.21 it was stated that (vy) = 0. Show that this is true.

5.4 Derive a switch implementation for the direct boost converter so that the input and output
circuits share a common positive terminal.

5.5 Reconsider Example 5.3 and develop a bilateral direct converter in which the terminal
currents reverse direction but the terminal voltage polarities remain unchanged.
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A power circuit is typically composed of only a few kinds of components (other than its

source and load): switches, and energy storage elements such as capacitors and inductors (or
l transformers). In its ideal form, each of these components is lossless and capable of operating
at any frequency. In the ideal switch, for instance, the voltage across it is zero when it is on, the
current flowing through it is zero when it is off, and the transition between these two states occurs
‘ infinitely fast. Although we did not explicitly discuss the means by which the actual switches are
J turned on and off (a topic covered in Chapter 23), an ideal switch responds infinitely fast to
f‘ its drive signal and requires zero drive power. And, of course, there is no limit to the off-state

voltage or the on-state current of the ideal switch. Similarly, the ideal capacitor and the ideal
inductor are purely energy storage elements, and they each store energy in only one field type.
The ideal capacitor contains no magnetic field energy, and the ideal inductor contains no electric
field energy. Furthermore, neither ideal element dissipates any energy.

In reality, the components we use fall short of this ideal description, and so our power
circuits are neither 100% efficient nor capable of operating at an infinitely high switching
frequency. Improvements in power circuit behavior depend on the development of components
with characteristics that are closer to ideal, and design techniques that compensate for the non-
‘dealities. You thus need to understand the fabrication and material technologies on which power
! electronic components depend. Only through such an understanding can you properly apply
}‘ power circuit components, as well as track and predict developments in the field.

; As an example of the impact of advances in components, consider how the power supply
for low-dc-voltage electronic loads has evolved. In the early 1950s, semiconductor power diodes
became a practical replacement for vacuum tube (or selenium) rectifiers.” As the on-state voltage
of a semiconductor diode (about 1 V) was much lower than that of a vacuum rectifier (about
30 V), the power supply efficiency increased significantly. By the mid 1960s, the switching speeds
of bipolar power transistors had improved enough to make high-frequency dc/dc converters
operating in the 10-20 kHz range possible. This improvement allowed replacement of linear-
regulator technology with the lighter, smaller, and more efficient switching regulator. By the late
1970s, the power MOSFET became economically practical and permitted efficient operation in
the 200 kHz to 1 MHz range, which further reduced the size of the required switching power
supply. The more recent availability of semiconductor devices using wide-bandgap materials,
such as SiC and GaN, and improved magnetic materials, have enabled switching frequencies

T Not many readers of this book will have experienced the joy of replacing the cat whisker and galena crystal with a
germanium diode, and marveling at the increased volume of the local radio station.
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in the 10s and even 100s of MHz. In each case, a component improvement permitted the
“breakthrough” in power electronic technology.

Practical Semiconductor Switches

Typical current and voltage waveforms for a semiconductor switching device are shown in Fig.
15.1. When the switch is on, it exhibits a forward voltage drop Von, which gives a conduction loss
p = Vool as current I flows through it. Similarly, when the switch is off, it carries a small leakage
current that produces an off-state loss. The leakage current is usually small enough that we can
neglect this off-state loss. But when the switch is a Schottky diode, or when the power circuit
tries to impose a voltage across a switch that is greater than the switch’s breakdown voltage, the
leakage current and consequent off-state loss can be significant.

A semiconductor switch also needs time to make the transition from one state to the other.
During this switching time, veyisw # 0 and the device dissipates energy. The total energy lost
in the turn-on and turn-off transitions, multiplied by the switching frequency few, gives the net
switching loss for the device.

Practical Energy Storage Elements

We can explain some of the dissipation that occurs in real energy storage elements by the resis-
tances of the capacitor’s leads and plates, and of the inductor’s winding. However, calculating
the loss is not simple because we must take into account the skin effect, which dictates where
ac current flows in a conductor, and the proximity effect, which dictates how much circulating,
or eddy, current is induced in nearby wires or other conductive material. In general, to reduce
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Figure 15.1 Voltage, current, and dissipation waveforms for a semiconductor switch.
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this I2R dissipation, we must make the energy storage element physically large to incorporate
more conductor area. However, when the conductors are large enough for the skin and proximity
effects to dominate the total loss, conductor fabrication becomes more complicated.

In addition to I?R dissipation, the change of stored emergy in the magnetic or dielectric
materials also causes losses in inductors and capacitors. Generally, these losses are a nonlinear
function of ac field strength, frequency, dc bias, and temperature. Both inductors and capacitors
can be made from a variety of materials, which implies trade-offs. One material might have less
loss at a given frequency than another, but have a lower permeability (or permittivity), a lower
maximum field strength, or a higher cost.

Dissipation is not the only troublesome imperfection of inductors and capacitors. Because
these elements can be used as filters, we also care about whether their impedances deviate from
the anticipated jwL or 1/jwC. Capacitors have a parasitic series inductance resulting from the
loop formed by their plates, their leads, and their connection to other components. Inductors
have a parasitic parallel capacitance caused by the proximity of two windings at different
potentials. We can neglect these parasitic components for both elements if the frequency is
low enough. However, at very high frequencies the “capacitor” acts like an inductor and the
“inductor” acts like a capacitor. As a result, a filter having these components does not behave as
expected above a certain frequency.

Semiconductor Devices

In this section our purpose is to outline the main power semiconductor devices available today —
diodes, transistors, and thyristors — and to discuss their terminal characteristics. In Chapter 16
we explain in more detail the physics underlying the behavior of these devices, and in Chapter
17 we discuss the unique characteristics of their design for power applications.

At this point, however, you should know that current in a semiconductor is carried by both
positive charges (holes) and negative charges (electrons). When one of these charge carriers
dominates the total concentration of carriers, we call it the majority carrier. We call the other
type of carrier the minority carrier. Devices whose behavior is dominated by the distribution
of majority carriers (majority-carrier devices) — the field-effect transistor, for example — can be
switched much more quickly than can those devices that rely on the change of minority-carrier
distributions (minority-carrier devices), such as the bipolar junction transistor. The carrier
concentrations also determine the resistance of the different regions of a device.

Diodes

A diode is a switch whose state cannot be explicitly controlled, but is instead determined by
the behavior of the circuit in which it is used. If the circuit tries to impose a positive voltage
across the diode, it will turn on, and if the circuit tries to impose a negative current through the
diode, it will turn off. Types of semiconductor diodes include the bipolar diode (based on a p—n
semiconductor junction) and the Schottky diode (based on a metal-semiconductor junction).
The schematic symbols and the i—v characteristics for these devices are shown in Fig. 15.2.
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Figure 15.2 Symbols and i~ characteristics of power semiconductor diodes. (a) Bipolar junction diode.
(b) Schottky diode.

At the rated current Iz, the forward voltage Vr is typically 1V for a silicon bipolar power
diode, and 0.6V or less for a silicon Schottky diode. Diodes fabricated on wide-bandgap
materials such as SiC and GaN have higher forward voltages. Note that above Ir the forward
voltage increases at a faster rate with current than it does below Ir. The reason is that the resistive
drop in the diode, which increases linearly with current, becomes comparable to, and then
exceeds, the junction voltage, which increases logarithmically with current. The reverse voltage
rating of a power diode, Vg, sometimes called the peak inverse voltage (P1V), is determined
by reverse leakage current. For a bipolar diode, ¥pr can be in excess of 10kV, and is usually
specified at a leakage current Ig between 1pA and 10s of milliamps, depending on the Ir
rating of the diode. For reverse voltages greater than Vpg, the leakage current increases rapidly.
For the same die size and voltage, the leakage current of a Si Schottky diode is much higher
than that of a Si bipolar diode. For both diodes, leakage current increases exponentially with
temperature.

Bipolar Diode In addition to the presence of a nonzero forward drop and leakage current, the
bipolar diode departs from ideal in its switching behavior. Figure 15.3 shows typical voltage and
current waveforms during turn-on and turn-off of a bipolar diode in a buck converter. Note
that when the device first begins to carry current, its forward voltage rises to Vp, known as the
forward recovery voltage, a value higher than the static curve of Fig. 15.2(a) predicts. Typical
values for ¥, range between 5V and 20 V. This phenomenon, which is a function of the on-
state current, I, in this case, occurs because the excess charge requires time to build up to its
final value in the device, and before it does, the resistance of the diode is very high. During the
forward recovery time t5;, the power dissipation in the diode is much higher than predicted from
the diode’s static characteristics. Also, this transient voltage is impressed across other devices in
the power circuit (the transistor in this converter, for example), and this additional voltage stress
must be considered when rating these other devices.
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Figure 15.3  Switching waveforms for a bipolar diode used in a buck converter.

As the waveforms in Fig. 15.3 also show, when the bipolar diode turns off, its current first goes
negative; then its reverse voltage begins to fall and the current returns to zero. This phenomenon
is called reverse recovery, and it lasts for a time called the reverse recovery time t,. It occurs
because the excess carriers in the device must be removed before the junction can withstand
a reverse voltage. Another practical consequence of reverse recovery is that until the reverse
current peaks at —I,, and starts to decrease to zero, the diode is still on. Therefore reverse
recovery limits the maximum frequency at which we can use a diode.

Large values of —I,, increase the current stress on other semiconductor devices in the power
circuit. During time #¢, which can be very short compared to #, di/dt is high, and the parasitic
inductance through which the reverse current flows imposes a high Ldi/dt voltage across these
other devices. For this reason, we sometimes refer to diodes in terms of their “snappiness.”
A snappy diode is one whose current quickly drops to zero after 7, is reached; in other words,
the di/dt of these diodes is very high. In a non-snappy, or sofi-recovery, diode, the recovery
current takes a relatively long time to return to zero from —I,,. That is, it exhibits a relatively
small recovery di/dt.

In general, the higher the reverse voltage rating of a bipolar diode, the longer its forward and
reverse recovery times. Reducing these recovery times (by reducing minority-carrier lifetimes)
increases the forward voltage of the device. For this reason, diodes designed for low-frequency
applications, such as 50 or 60 Hz rectifiers, have lower forward drops than diodes designed for
high-frequency dc/dc or PWM converters. For instance, a typical 200 V rectifier-grade diode has
a reverse recovery time of 50 us and a forward drop of 1.2V at its rated current. A typical 200V,
30 A, fast-recovery diode has a reverse recovery time as low as 10s of nanoseconds, but a forward
drop of 1.6 V.

Schottky Barrier Diede A Schottky diode does not generate significant excess cartier concen-
trations when conducting. Instead it carries current primarily by the drift of majority carriers.
For this reason in the ideal case it does not have the forward or reverse recovery behavior
exhibited by a bipolar diode, although its junction space-charge layer capacitance must still be
charged and discharged. As the reverse voltage rating of a Si Schottky is raised above 100V,



440

15 Components and Devices: An Overview

D ip

- Ip—— — Ip+

Up 1 VD

|
5
5,___._..

(a) (b

Figure 15.2 Symbols and i—v characteristics of power semiconductor diodes. (a) Bipolar junction diode.
(b) Schottky diode.

At the rated current I, the forward voltage V is typically 1V for a silicon bipolar power
diode, and 0.6V or less for a silicon Schottky diode. Diodes fabricated on wide-bandgap
materials such as SiC and GaN have higher forward voltages. Note that above I the forward
voltage increases at a faster rate with current than it does below 7. The reason is that the resistive
drop in the diode, which increases linearly with current, becomes comparable to, and then
exceeds, the junction voltage, which increases logarithmically with current. The reverse voltage
rating of a power diode, Vgr, sometimes called the peak inverse voltage (PIV), is determined
by reverse leakage current. For a bipolar diode, Vpr can be in excess of 10kV, and is usually
specified at a leakage current Ig between 1uA and 10s of milliamps, depending on the /¢
rating of the diode. For reverse voltages greater than Vg, the leakage current increases rapidly.
For the same die size and voltage, the leakage current of a Si Schottky diode is much higher
than that of a Si bipolar diode. For both diodes, leakage current increases exponentially with
temperature.

Bipolar Diode In addition to the presence of a nonzero forward drop and leakage current, the
bipolar diode departs from ideal in its switching behavior. Figure 15.3 shows typical voltage and
current waveforms during turn-on and turn-off of a bipolar diode in a buck converter. Note
that when the device first begins to carry current, its forward voltage rises to V,, known as the
forward recovery voltage, a value higher than the static curve of Fig. 15.2(a) predicts. Typical
values for ¥V, range between 5V and 20 V. This phenomenon, which is a function of the on-
state current, I, in this case, occurs because the excess charge requires time to build up to its
final value in the device, and before it does, the resistance of the diode is very high. During the
forward recovery time t, the power dissipation in the diode is much higher than predicted from
the diode’s static characteristics. Also, this transient voltage is impressed across other devices in
the power circuit (the transistor in this converter, for example), and this additional voltage stress
must be considered when rating these other devices.
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Figure 15.4 Schematic symbols and static i—v characteristics for: (a) the npn BJT, and (b) the n-channel
MOSFET.

which is lower than V¢po because transistor action is amplifying the collector leakage current. In
either case, as the collector leakage current grows, the device voltage folds back to the sustaining
voltage Vcgous) — the voltage at which the leakage current amplified by the transistor action is
in balance with, or sustains, the collector current.

Darlington Connection Because the current gain of a power BJT is so low, the connection of
two BJTs as shown in Fig. 15.5(a) is often used to reduce the base drive requirement of the main
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however, an important fraction of its total current is carried by minority carriers. As this
happens, the device begins to exhibit recovery characteristics similar to those of a bipolar diode.
When applied conservatively, Schottky diodes exhibit a forward drop of about 0.4V less than
that of comparably rated silicon bipolar junction diodes.

15.3.2 Transistors

Two fundamental types of transistors are the bipolar junction transistor (BJT) and the field-
effect transistor (FET), among which is the metal-oxide-semiconductor field-effect transistor
(MOSFET). A third device, the insulated-gate bipolar transistor (IGBT), is an integrated
combination of these two. The discussion that follows describes transistors fabricated in Si, but
all three of these transistor types are also available in the wide-bandgap (WBG) materials SiC
and GaN. The structure and characteristics of these transistors, particularly those made from
GaN, differ in some respects from those for Si. These WBG devices are discussed in Chapter 17.

The schematic symbols and the i-v characteristics for the BJT and MOSFET are shown in
Fig. 15.4.% A significant distinction between the two devices is that the BJT is controlled by
its base current, while the MOSFET by its gate voltage. The BJT is a minority-carrier device,
so like the bipolar diode, excess charge must be supplied or removed to turn it on or off. As a
majority-carrier device, the MOSFET does not have stored minority carriers, but it does have
junction and oxide capacitances that must be charged or discharged to turn the device on or off.
Therefore, neither the BJT nor the MOSFET can be switched instantaneously.

Note that both the BJT and MOSFET have a maximum permissible off-state voltage. They
both also have a nonzero on-state voltage that depends on how much current is flowing and how
hard the transistor is driven. Between the on and off states is a region of operation referred to
as the forward active region. For a fixed base current (respectively, gate voltage), the collector
(respectively, drain) current of both transistors remains roughly constant over the full range of
the device voltage in this region. Because power transistors are used as switches that are either
on or off, the forward active region of operation is of interest only during switching, when it
must be traversed.

Bipolar Junction Transistor To be in the on state, the BJT requires the presence of base current
ip. The ratio of on-state collector current ic to the base current ip necessary to support this
value of ic is an important parameter called the dc current gain, hpg (or Sr). Unlike signal-level
transistors, for which Agg > 200 is common, values for Arg of 5 to 20 at their rated current are
typical for power transistors.

Base current also affects the off-state characteristics of a BJT, as shown in Fig. 15.4(a). If
the base current is sufficiently negative (resulting from reverse biasing the base—emitter junction
during turn-off), the collector voltage can go as high as the collector—base junction breakdown
voltage Vcpo.} If ip = 0 in the off state, the collector voltage can go only as high as V¢go,

¥ The linear and forward active regions of MOSFET operation are also referred to as the triode and saturation regions,
respectively.

¥ This subscript notation defines the terminal conditions for the parameter. For example, Vg is the collector-base
voltage with the emitter open.
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Figure 15.5 The Darlington connection. (a) The basic connection of two bipolar transistors. (b) The
connection of (a) with the addition of a diode to improve its turn-off speed. (c) A MOSFET
connected as the drive transistor Q.

device. This is known as a Darlington connection and results in a composite device having an
effective current gain that is approximately the product of the individual gains, that is, hpg =
Ic/Ip = hpg hrE,. It is a particularly useful connection for power transistors because the base
current necessary to drive the pair is considerably less than that needed to drive Q; alone. The
smaller base current allows a reduction in the current rating of the base drive circuit, simplifying
its design.

The Darlington connection has two disadvantages. One is that the on-state drop of the pair
is higher than the on-state voltage of Q; alone. The reason is that the lowest on-state voltage
of the pair is the hard-saturation voltage of Q; plus the base—emitter voltage of Q,, whereas
0, if used alone, has a hard-saturation voltage equal to its base—emitter voltage minus its base—
collector voltage. This condition is easy to see for signal-processing transistors, in which the
saturation voltage of @ alone could be on the order of 0.2V, whereas the Darlington pair can
have an on-state voltage of no less than 0.8 V —the saturated collector—emitter voltage of Q; plus
the base—emitter voltage of Q;. However, the saturation voltage of a power device usually has
an appreciable contribution from the resistance of the collector region, making the difference
between a single device and a Darlington pair less dramatic. A Darlington pair exhibits an on-
state voltage of between 2 and 5V, depending on its current and voltage ratings.

The second disadvantage of the Darlington connection is that when the drive circuit tries to
turn the pair off, it can pull current from the base of Q; only. The base current of O, goes to
zero when Q) turns off, and therefore the charge stored in the base of @, is not forcibly removed.
Instead, it decays to zero by the process of recombination, resulting in a long turn-off time. An
effective solution to this second problem is to add a diode between the bases of Q; and (0, as
shown in Fig. 15.5(b), so that the drive circuit has access to the base of @, during turn-off, when
Ip < 0and the diode is on. In a monolithic Darlington connection, the diode is usually a separate
device mounted in the same package and wire-bonded to the die containing the Darlington pair.

We can also use a MOSFET for Q1, as shown in Fig. 15.5(c), resulting in a composite device
with the MOSFET’s ease of drive and the BJT’s on-state drop. The larger the die area of the
MOSFET, the smaller its on-state resistance, and the lower the on-state voltage of the pair.
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Figure 15.6

The n-channel power MOSFET. (a) Simplified structure. (b) The parasitic npn transistor with
the source contact creating a base—emitter short, the parasitic body diode, and the MOSFET
symbol showing the presence of the source-body short.

A monolithic derivative of this structure is the IGBT, which has largely displaced the Darlington

connection.

MOSFET Figure 15.6(a) shows a simple representation of the n-channel vertical MOSFET
structure typically used in discrete devices. “Vertical” refers to the direction of the drain current,
which is orthogonal to the device substrate. When a positive voltage vgs is applied from gate to
source, a conducting n-type channel is formed beneath the gate electrode in the p-region, which
is known as the body of the device. This channel connects the drain to the source, turning the

device on.

The MOSFET turns on when vgg exceeds the threshold voltage Vr, which is typically 2-5V for
Si devices. The gate acts like a capacitor, so when the MOSFET is either on or off, the gate power
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is zero, making possible the use of gate drive circuits that are simple and efficient compared
to those necessary to drive a BJT. Energy is required to switch the MOSFET, however, as the
process is equivalent to charging or discharging a capacitor. For this reason, the gate drive circuit
is required to supply energy at an appreciable average power if the MOSFET is operated at high
frequencies.

When on, the MOSFET acts like a resistor of value Rps(on), Which is composed of two parts.
The first is the channel resistance arising from the conducting channel created by the electric field
beneath the gate electrode. The second is the resistance of the relatively long region comprising
the drain.

Unlike the channel resistance, whose value varies with vgs, the drain resistance is of constant
value. Therefore Rps(on) for most MOSFETs is independent of vgs for vgs higher than a few
volts above the threshold voltage V7. The most significant part of Rps(on) for devices rated
above about 100V results from the lightly doped drain region, called the extended drain, which
determines their maximum Vpg rating, so its length for these devices is strongly related to the
transistor’s breakdown voltage.

The three silicon layers comprising the MOSFET of Fig. 15.6(a) create a parasitic npn
transistor structure. To prevent this parasitic device from affecting the behavior of the MOSFET,
the p-body and n™ source regions are shorted by the source contact, as shown. The result is the
parasitic bipolar diode across the MOSFET shown in Fig. 15.6(b). This body diode s often useful
in bridge circuits. The MOSFET symbol indicates the presence of the source-body short and
the resulting body diode. The direction of the arrow indicates that the body is p-type and the
channel is n-type.

Figure 15.7 shows typical voltage and current waveforms for the MOSFET as it turns on
and off with a clamped inductive load. Such a load creates the most severe switching behavior,
because the switched voltage cannot begin to fall (at turn-on) or rise (at turn-off) until the
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Figure 15.7 Typical waveforms for a power MOSFET with a clamped inductive load.
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current has commuted from the diode to the transistor, or from the transistor to the diode. This
is the condition used in device datasheets to specify turn-on and turn-off times. Note that the
device does not begin to change state until the gate voltage equals V7 (typically 3-5 V). During
each transition, as the drain voltage either falls or rises to its final value, the gate voltage stays
constant at approximately the threshold voltage V7. This plateau in the gate voltage waveform
is called the Miller effect, which we explain in more detail in Chapter 23. The speed at which a
MOSFET turns on or off is determined by the rate at which its parasitic capacitances can be
charged or discharged, which is limited by the gate driver and the internal gate resistance.

Insulated Gate Bipolar Transistor The IGBT is a monolithically integrated Darlington-like
connection of a MOSFET driving a BIT, as shown in Fig. 15.8(a). It has the benefits of the
drive simplicity of 2 MOSFET and the high voltage capability of a BJT. Because of the way
the two transistors are integrated, we can protect the MOSFET from the full off-state voltage
of the IGBT by the space-charge layer at the collector junction of the BJT. The result is that a
much smaller area on the device die is dedicated to the MOSFET. Note that because the two
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Figure 15.8 (a) The IGBT and its equivalent connection of MOSFET and BJT. (b) Waveforms at turn-off
showing the slow “tailing” effect during .
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transistors are of opposite polarity (an n-channel MOSFET and a pnp BIT), the gate is driven
with respect to the collector of the BIT.

The turn-on transition time of the IGBT is that of its BJT. The turn-off is much slower than
would be possible with the BJT alone, however, because there is no way to aid the turn-off
process by pulling negative current from the base of the BJT. Figure 15.8(b) shows how the
collector current makes a quick change when the MOSFET first turns off, but then slowly tails
to zero. The initial step corresponds to that fraction of the device current that had been flowing
through the MOSFET. The tail during time ¢ is the characteristic of a BIT turning off with an
open-circuit base.

15.3.3 Thyristor

The name thyristor is generic for devices composed of four silicon layers (p—n-p-n) and
exhibiting a regenerative internal mechanism that latches the device in the on state. As a family,
thyristors are capable of switching voltages over 9kV and currents over 8 kA (rms). (Such a
device weighs over 5kg.)

Members of the thyristor family used as switches in power circuits include the silicon-
controlled rectifier (SCR), the triode ac switch (TRIAC), and the gate turn-off thyristor (GTO).
As you have already seen in Chapter 4, the SCR is only semi-controllable; it can be turned on at a
specified time, but it must be turned off by the action of the circuit in which it is connected. The
GTO, on the other hand, can be turned both on and off from its control (gate) terminal, but it
cannot block reverse voltage. The TRIAC is similar to the SCR, but can conduct and withstand
voltage in either direction. In many respects, it can be thought of as a pair of SCRs connected
in anti-parallel.

Silicon-Controlled Rectifier The most common form of the thyristor is the SCR. Figure 15.9(a)
shows its schematic symbol and i~v characteristic. If v4x > 0, a current applied to the gate turns
the SCR on. This action initiates an internal regenerative mechanism that latches the device in
the on state, even if the gate current is then removed. The gate power required to switch the SCR
is therefore very small.

The voltage Vpo in the i~v characteristic is the forward breakover voltage. When subjected
to a forward voltage above this value, the leakage current at junction Ji acts similarly to gate
current and is sufficient to initiate the internal regenerative mechanism in the absence of gate
current, and the SCR turns on. Other mechanisms to trigger on the SCR are: a high dvgx/dt,
which produces a current across Ji as its junction capacitance charges; a high temperature, which
increases the J; leakage current; and optical injection of carriers into the p-gate region. Devices
triggered optically, known as opto-SCRs, are commercially available, but their dvg/dt rating
is quite low. The on-state voltage of an SCR is typically between 1 and 3 V.

When the SCR turns off, it displays the same reverse recovery phenomenon as a bipolar diode,
and there is a period in the turn-off process during which iy < 0, as illustrated in Fig. 15.9(b).
Even after i4 = 0, however, the SCR is incapable of blocking a forward voltage until the charge
remaining in the device has decayed below a critical value. The time required for this process is
called the circuit commutated turn-off time, tg, and ranges from about 5 to 100 ps. Reapplying a
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Figure 15.9 The SCR. (a) Schematic symbol and its static i—v characteristic. (b) Reverse recovery, showing
the minimum off-state time #4.

forward voltage to the SCR before #, risks retriggering the regenerative process and turning the
device on again.

There are ways to reduce #; by adjusting the SCR’s design, although an additional conse-
quence is a higher on-state voltage. For this reason there are two standard grades of SCRs:
rectifier grade and inverter grade. Rectifier-grade SCRs have a #, in the 100 us range and an on-
state voltage between 1 and 2 V. Inverter-grade SCRs have a 14 of between 5 and 30 us, and an
on-state voltage between 2 and 3 V. While inverter-grade SCRs have historically been applied to
motor drives or other PWM applications, and to high-frequency resonant converters, their use
has been supplanted in most of these applications by the MOSFET or IGBT. Today the primary
use of the SCR is in line-frequency rectifiers, as discussed in Chapters 4 and 9.

There is another special version of the SCR, called the asymmetrical SCR (ASCR), in
which the reverse blocking capability of the device has been sacrificed for a much shorter
t, and a higher dvak/dt rating. The ASCR is useful in power circuits that have a diode
in anti-parallel with each controllable switch, and therefore require no reverse blocking
capability.
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Figure 15.10 (a) The GTO symbol. (b) GTO switching waveforms when a snubber circuit is used to provide
an alternate path for ir.

Gate Turn-Off Thyristor The GTO is an SCR in which special provisions made during
fabrication enable a large negative gate current to stop the internal regenerative process, turning
the device off. Two parameters are compromised in the GTO: forward drop, which is typically
1V more than a comparably rated SCR, and reverse blocking capability, which is typically less
than 50V.

Figure 15.10(a) shows the schematic symbol for the GTO and terminal variables during the
turn-off process. Like the SCR, it has maximum dv,x/dt and diy/dt ratings. It also has a
maximum anode current, Iy, that can be turned off from the gate terminal. The turn-off gain
of the GTO is defined as the ratio of Iy to the peak negative gate current required to turn
it off, Gains on the order of 3—4 are typical, so the gate drive must be capable of providing a
large negative current Iggs to turn off an anode current of Iras. This negative current pulse
has a minimum specified negative rate of rise, —digpdt. During its on state the GTO requires a
minimum gate current I to prevent the device from turning off at low anode currents.

The mechanism employed to turn off a GTO is to force the anode current into regions of the
device area having low regenerative gain. Therefore, as this current-focusing process is taking
place, the anode current must decrease in order to avoid localized regions of high current density
and device failure. Any parasitic or load inductance in series with the GTO will prevent i4 from
decreasing at the necessary rate. For this reason, GTOs are always employed with a snubber
circuit, as shown in Fig. 15.10(b), to provide an alternative path for the current in the circuit
inductance L. This snubber also determines the rate of rise of v4x and its overshoot.

Triode AC Switch The TRIAC, whose symbol and i~v characteristic are shown in Fig. 15.11,
is a thyristor capable of bilateral conduction. Because it is a slow device, having a dv/dt limit on
the order of 100 V/us, it is used almost exclusively for electric utility (50/60 Hz) applications such
as light dimming. The TRIAC is bilateral, so we do not use the terms “anode” and “cathode”
to identify its terminals. Instead, we identify the switched terminals as main terminals 1 and 2
(MT, and MT;). We use MT] as the reference terminal for the gate and M T, voltages.
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Figure 15.12 The TRIAC used as an ac controller toillustrate the commutating dv/dt to which it is subjected.

We can turn the TRIAC on with positive or negative gate current — and with MT; either
positive or negative. The TRIAC conducts in quadrant I of its i~v plane if M T} is positive when
gate current is applied, and in quadrant IIT if MT} is negative. The four possible triggering
modes are therefore I+, I—, III+, and III—, with the “+” and “—” referring to the direction of
the gate current. The triggering sensitivity of the TRIAC is different in each of the triggering
modes, with I+ and ITI— being the most sensitive (requiring the least gate current) and therefore
the most frequently used. In any of the modes, the gate characteristic, measured between G and
MT)}, is similar to a forward-biased diode.

In practically all applications the TRIAC must block voltage immediately after turning off, so
we replace the SCR parameter ¢, with a parameter called the commutating dv/dt for the TRIAC.
The meaning of this parameter is illustrated in Fig. 15.12, which shows TRIAC Q being used
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as an ac controller. When Q turns off at the zero-crossing of i, its voltage vg rises at an initial
rate oV, This rate of rise is the commutating dv/dt to which the TRIAC is subjected. It must
be less than the maximum value specified by the manufacturer, otherwise the TRIAC will turn
on again before the next gate current pulse. This limitation makes TRIACs unsuitable for use at
frequencies above approximately 400 Hz.

Capacitors

Many types of capacitors are used in power circuits. They differ in the dielectric employed and
in their physical form. The choice of capacitor type depends on the particular application. In
addition to its capacitance value, a capacitor designed for power circuit applications usually has
a maximum rms current specification because of internal dielectric and I 2R heating.

The dielectric material supporting the electric field in a capacitor is characterized by two
parameters: its dielectric strength, which is the value of the electric field at which the dielectric
breaks down; and its dielectric constant, K. The capacitance value achievable with a material is
proportional to K, which is the permittivity of the material normalized to €,, the permittivity
of free space: K = €/¢,.

An important parameter characterizing capacitors is the dissipation factor D, which is the ratio
of the real part of the capacitor’s admittance to its imaginary part. The admittance is frequency
dependent, as is D, and therefore is usually presented in graphic form. A nonzero dissipation
factor means that the capacitor exhibits losses. These losses are a function of construction
method and material properties of the dielectric.

Film Capacitors

For applications that require large currents but relatively little capacitance, such as in snubbers
or resonant tanks, a film capacitor is a common choice. It is simply two layers of metal foil
separated by insulating film. This long dielectric-conductor sandwich is usually rolled into a
cylinder. The two foil electrodes are offset so that only one sticks out beyond the dielectric at
either end of the cylinder. Terminals are then connected to the edges of these electrodes.

The dielectric film is a thin, insulating sheet of plastic. Although many plastics can be
used, the ones most commonly used in power electronic capacitors are polypropylene and
polyester (Mylar). Polycarbonate is a very thermally stable dielectric with a very low dissipation
factor, but is no longer generally available, as the major manufacturer of the film has stopped
producing it. Polypropylene has more than twice the dielectric strength of polycarbonate (about
16 kV/mm for polypropylene versus 7.5kV/mm for polycarbonate); polyester sits between (at
about 11 kV/mm). The electrode can also be vacuum-deposited on the dielectric film to produce
metalized film, yielding an electrode thickness of 0.01-0.05 um; alternatively, a separate sheet of
metal foil, 5-15 um thick, can be used. Capacitors using the metal foil construction are capable
of carrying considerably higher currents than those made with metalized film.

The dielectric properties of polypropylene are very stable when subjected to changes in
temperature. The material’s dielectric constant (K ~ 2.3) changes only a few percent when
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the temperature changes from 25°C to 105°C. Polycarbonate has a slightly higher dielectric
constant (K = 3.0) and can be used at temperatures as high as 125°C. The dielectric loss in
both materials is very low, and is stable under temperature variations (a AD of approximately
0.02% for polypropylene and 0.1% for polycarbonate over a frequency range of 1-100kHz is
typical). The film capacitor’s lead and electrode resistance are the dominant sources of loss.

The parasitic inductance of a film capacitor depends on the capacitor package’s geometry and
size. Typical resonant frequencies (where wL = 1/wC) range from 100 kHz for a 50 pF capacitor
to 10 MHz for a 0.01 uF capacitor.

15.4.2 Electrolytic Capacitors

Electrolytic capacitors offer far greater capacitance per unit volume than do film capacitors.
The trade-off is a much higher series resistance and an inability to withstand a reverse voltage
of significant value. Because of their unipolar voltage limitation, they are most often used in
dc filters in which a large capacitance is needed but the current (per unit of capacitance) is
relatively small. There are two major types of electrolytic capacitors: aluminum and tantalum.
Tantalum capacitors have more capacitance per volume, but they are more expensive because
of the material’s higher cost.

Aluminum Electrolytic Capacitors The first step in producing aluminum electrolytic capacitors
is to chemically etch an aluminum foil, making its surface very rough. This process increases
the surface area of the foil (which is connected to the positive terminal of the capacitor) by a
factor of as much as 100. A very thin layer of aluminum oxide, AlOs3, is then formed on the
foil’s surface. This oxide, which has a dielectric constant of K = 8.4, is the dielectric in the
capacitor. A liquid electrolyte forms the other “plate” of the capacitor as it comes in contact
with the oxide. A second foil of aluminum makes electrical contact to this electrolyte, and is the
negative terminal of the capacitor. As the electrolyte is not a very good conductor compared to
a metal, the resistance of an aluminum electrolytic capacitor is relatively high.

The behavior of the electrolyte is the reason that the life of electrolytic capacitors is short
compared to that of other components used in power circuits. The electrolyte slowly escapes
through the seal of the package until enough has left to change the electric characteristics of the
capacitor dramatically. The rate at which this occurs is temperature dependent; the higher the
temperature, the shorter the life. The loss of electrolyte occurs during storage as well as during
operation of the power circuit, although usually at a much slower rate because the capacitor
is cooler. Before the electrolyte runs out, the most common cause of failure of an aluminum
electrolytic capacitor is a short circuit through the oxide.

Tantalum Electrolytic Capacitors Tantalum oxide, Ta;Os, has a dielectric constant approxi-
mately three times that of Al,O3, giving tantalum capacitors a significant volumetric specific
density advantage over aluminum capacitors. Three different methods are used to construct
tantalum electrolytics. The tantalum foil construction is identical to that used for making
aluminum electrolytics. The wet slug and solid constructions each start with a porous tantalum
pellet made by sintering powdered tantalum. A wire, which forms the positive terminal, is
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attached to this pellet. In the wet slug construction, the negative electrode is a liquid electrolyte,
which is absorbed by the porous pellet. The negative electrode of the solid tantalum electrolytic
is manganese dioxide, created on the Ta;Os surface by another chemical reaction.

The temperature dependency of tantalum capacitors is fairly linear over their operating range,
varying from —5% at —55°C to +5% at 125°C. They are also stable with respect to applied
voltage.

Electric Double-Layer Capacitors The electric double-layer capacitor (EDLC, DLC, or “supet-
capacitor”) has an extremely high capacitance, on the order of 100s of farads, but very low
voltage ratings, approximately 3 V. They are capable of very high rates of charge and discharge,
and useful in pulsed power applications, such as absorbing regenerated braking energy in electric
vehicles. While their volumetric specific energy density is relatively low compared to batteries,
their volumetric specific power density is much higher. These capacitors can be used for energy
storage, but not filtering applications, as their high-frequency performance is poor.

15.4.3 Multilayer Ceramic Capacitors

Multilayer ceramic capacitors are made by stacking many layers of thin, unfired (“green”)
ceramic sheets on which a conductor has been screen printed using conductive inks. This
sandwich is then sintered to form a solid, monolithic capacitor.

There are two types of ceramic dielectrics, designated Class I and Class II. Class I ceramics
have a dielectric constant (normalized permittivity) of between 10 and 500 that is very stable
(typically £3%) over wide ranges of voltage, time, and temperature. The dissipation factor of
these materials is also low, typically 0.1% at 1 MHz. Because of their low permittivity, however,
Class I ceramics have a low volumetric specific density compared to Class II ceramics. Capacitors
designated NPO (or COG) are made of Class I ceramic.

Class II ceramics have much higher dielectric constants than Class I materials and come in two
subgroups. The first has a dielectric constant that ranges from 500 to 3000 and is relatively stable
over voltage, time, and temperature. The second has a relatively unstable dielectric constant
ranging from 3000 to 20 000.

A three-symbol code is used to specify the performance of Class II ceramics. The first and
second symbols specify the low and high limits of an operating temperature range. The third
symbol specifies by how much the capacitance value at the temperature extremes will change
from its value at 25°C. Table 15.1 defines this code. Two common types are X7R (15% from
—55°C to +125°C) and Z5U (+22%, —56% from +10°C to 485 °C).

The Class II code designation provides information only about the temperature stability of
the capacitance. However, Class II ceramics have a strong voltage dependency about which the
code is silent. This dependency can result in an 80% decrease in capacitance at rated voltage.
Class II ceramics also exhibit a logarithmic degradation of permittivity over time, losing on the
order of 10% of their capacitance at one year, and 20% at 10 years. Representative voltage and
temperature dependencies for typical Class II ceramic capacitors are shown in Fig. 15.13.

Multilayer ceramic capacitors can have very low series resistance and inductance and, in
addition to their use in high-frequency resonant circuits, are often used as high-frequency bypass



15.5 Inductors and Transformers 455

Table 15.1 Class Il ceramic capacitor codes.
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Figure 15.13 Representative temperature and voltage dependencies of Class II ceramic capacitors.,

capacitors in parallel with electrolytics in filtering applications. In some cases they can provide
energy densities comparable to electrolytic capacitors, but are relatively expensive.

15.5 Inductors and Transformers

Inductors and transformers used in power electronic circuits are often custom designed for
the specific application. Seldom can these components be obtained from a manufacturer
as a standard product. Even where off-the-shelf components are available, custom-designed
components can often yield higher system performance. As a result, you must become familiar
with the materials and manufacturing techniques used in producing magnetic components,
subjects covered in Chapter 20. As a foundation for that presentation, in Chapter 2 we discussed
the behavior of transformers and their circuit models, and here we provide an overview of loss
mechanisms, materials, and the common physical forms of inductors and transformers.



456

15.5.1

15.5.2

15.5.3

15 Components and Devices: An Overview

Magnetic Materials

Most magnetic components used in power circuits contain a core of high-permeability material.
Use of a core results in a smaller structure than otherwise, and the core prevents magnetic fields
from extending great distances from the component. Such stray fields could cause interference or
induction heating of other components or structures. Two broad classes of materials are used to
make cores: most commonly ferrous alloys, and otherwise magnetic ceramics known as ferrites.

A great variety of ferrous alloys is available, and in several forms. These alloys differ in
permeabilities, loss characteristics, and mechanical workability. For low-frequency applications
(below 1kHz), iron with a low silicon content, often known as transformer steel, is generally
used. At higher frequencies, other elements are added to the iron to increase its permeability
and lower its loss. These more exotic magnetic steels — containing various amounts of cobalt,
nickel, molybdenum, and chromium —can be used to frequencies of about 20 kHz. They are very
expensive relative to the silicon—iron materials. The ferrous alloys are available in either sheet or
powdered form. When powdered, they can be used at frequencies higher than those cited, with
nanocrystaline materials useful up to around 100 kHz. However, both their permeability and
saturation flux density are considerably less than those of the bulk material.

Ferrites are ceramics made of ferrous oxide, zinc, and either manganese or nickel. Many
proprietary types exist, and each is identified by a unique designation — for example, 4C4 or 3C6.
Their maximum flux densities are about one third those of the ferrous alloys, and at temperatures
above about 150°C their magnetic characteristics deteriorate markedly. Cores made of this
material are limited in size because of their brittleness. Ferrites exhibit much lower losses at
high frequencies than do ferrous alloys and thus can be used at much higher frequencies. The
Mn materials are useful to approximately 1 MHz, while the Ni materials are acceptable to 10s
of megahertz.

Magnetic Core Geometries

Figure 15.14 shows some of the commonly used core shapes. The “C,” “E,” and “pot” cores are
the easiest to utilize, because their windings can be made on an open bobbin. The bobbin is then
slipped over the legs of the “C” or “E” cores or the center post of the “pot” core. A toroidal
core, on the other hand, must be wound by threading the wire through the core, a process that
can be automated, but which is generally more expensive than winding on a bobbin.

Losses in Magnetic Components

Loss in a magnetic component arises from two sources: the resistance of the copper windings,
and hysteresis and eddy currents in the core. At high frequencies, the copper loss is aggravated
by skin and proximity effects, but in general we can calculate it in a relatively straightforward
manner. Core loss, however, is a nonlinear function of both frequency and flux level. For a
particular material, core manufacturers generally provide data giving core loss in Wrlkg as a
graph parametric in frequency and flux level, as shown in Fig. 15.15 for ordinary transformer
steel. For ferrites, the loss data is normally provided in W/em?.
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(a) (b) (©) (@

Figure 15.14 Core geometries used in power circuits. (a) Double “C” core. (b) “E” core with an “I” closing
piece. (c) “Pot” core. (d) Toroidal core.
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Figure 15.15 A core-loss graph for ordinary transformer steel.

PROBLEMS

15.1 A simple light dimmer circuit is shown in Fig. 15.16. When the TRIAC, Qr, is off, C
charges through R| and the lamp. The device Qg is a silicon bilateral switch (SBS), one
of a family of trigger devices designed to be used in thyristor gate-drive circuits. Think
of it as a gateless TRIAC having symmetrical and low breakover voltages, £V po. If the
magnitude of the voltage across Qg exceeds Vpp, the SBS will turn on and thereafter
behave as a TRIAC.

In this circuit, the dimming level is controlled by varying R;. Note that the dimmer is
connected between the hot (H) and dimmed hot (DH) nodes and does not require access
to the neutral wire (N), which is often not available at a wall switch being retrofitted with
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a dimmer. The SBS has specified breakover voltages of Vo = £27 V. Determine and
sketch the lamp voltage v¢. Assume that you can model the lamp as a 100 € resistor.

QT
H |<j DH
i i
5 Us voxz 20 2 uF
120V/60 Hz 2.2k SRy 5
/ o 5
220
N

Figure 15.16 The light dimmer circuit of Problem 15.1. The TRIAC is fired by the SBS, Q.

15.2 Sketch the transistor voltage and current waveforms vg and ip for the down converter
of Fig. 15.3. In what ways does the diode affect the voltage and current ratings of the
transistor?

15.3 The converter of Fig. 15.17(a) is operating at 100 kHz, and the base drive signal to the
transistor has a duty ratio of 50%. If the transistor voltage and current waveforms during
switching are as shown in Fig. 15.17(b), what is the output voltage of the converter?

+ v — L

B — vQ
i Q \-rzI 5A \r
: .
200V ,‘\o X E:> 9 "
| I

500 Av.4 | i ,‘] I I I

150ns 100ns 200 ns 150 ns

Figure 15.17 (a) The buck converter of Problems 15.3 and 15.4. (b) Voltage and current waveforms during
switching for the converter of (a).

15.4 The buck converter of Fig. 15.17(a) is operating at a frequency of 20 kHz and delivering
500 W to the load. The diode is ideal, but the bipolar transistor has an on-state drop of
1.5V, a leakage current of 2 pA, and nonzero switching times whose values are shown
in Fig. 15.17(b). What is the efficiency of the converter? What is the efficiency if the
switching frequency is increased to 50 kHz?

15.5 What is the maximum effective duty ratio that we can achieve in the 100 kHz converter
of Problem 15.3 if we require the diode to turn on for an arbitrarily short time before the
transistor turns on again?

15.6 In discussing the SCR, we said that the opto-SCR has a low dvy g /dt rating. Explain why
it is unsuitable for use as a bridge switch.
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15.7 We stated that the current gain of a Darlington pair is approximately hrg, hrg,. If hpg, =
hpg, = 20, what is the etror in hpg that results from using this approximation?

15.8 The diode in the buck converter of Fig. 15.18 is in series with 500 nH of parasitic lead
inductance, and the diode current ip is as shown. Calculate and plot the diode and
transistor voltages vp and vy and the transistor current ig. If the converter is operating
at 200 kHz, what are the switching losses in the diode and transistor?

+ v - ip(A)

10+ 70 ns

»-‘+20ns

Figure 15.18 The buck converter of Problem 15.8, and its diode current waveform.

15.9 Aninverter-grade SCR, O, is used to excite a tank circuit, as shown in Fig. 15.19. Qhasa
reverse recovery time of ¢, = 10 us and a recovery characteristic so snappy that you can
assume tr ~ 0. The diode D and the 20 Q resistor form a snubber to maintain continuity
of energy in L when Q turns off. The SCR turns on at ¢t = 0. Calculate and sketch i,
and v,.

Q ia
N
| %
+ D
L
i 64 uH 20 ©
400v( " g

Figure 15.19 The circuit of Problem 15.9, in which v, and i, are calculated and sketched.

15.10 The circuit of Fig. 15.20 is a SkHz PWM inverter generating a sinusoidal short-term
average voltage T, so that i, = 200sin w,? &~ T,/R; that is, at the output frequency wy,
the LR load appears resistive. The switching sequence for T, > 0 is as shown. The body
diodes in Q1 and Qs have reverse recovery times of ¢, = 300ns, and #; is a negligible part
of this time. Because of this nonzero recovery time, an inductor, Ly = 1 uH, is placed in
series with the source ¥ to limit the reverse recovery current when Q; and Q3 toggle.
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The diode D, and resistor R, dissipate the excess energy trapped in Ls
0, or Q3 recovery period. What is the required power rating of R;?

Vg

500

Q14

Q34

Q14

D, BR,

at the end of the

L,=1pH

e

Figure 15.20 APWMinv
of the 0y and Q3 body diodes. Proble

erter with source inductance introduced to limit the peak reverse recovery currents
m 15.10 considers the rating of Rs.
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Power semiconductor devices are distinguished by the high current densities at which they
operate while on, and the high voltages they must withstand when off. These requirements have
serious consequences for both their physical structure and electrical behavior. In this chapter we
consider their structural and behavioral departures from the ideal devices studied in Chapter
16. A significant departure from the analyses in that chapter common to almost all bipolar
power diodes and transistors is that when conducting they are operating in a regime known as
high-level injection, where the excess minority concentration becomes comparable to or greater
than the equilibrium majority concentration, whereas in Chapter 16 we considered only low-
level injection {excess minority concentration « equilibrium majority concentration). High-level
injection is also referred to as conductivity modulation for reasons to be explained.

We first consider the bipolar power diode, which contains a wide space-charge layer to support
high voltage, and exhibits current and voltage transients when switching between states. We
also consider the Schottky diode, which, while it cannot support the high voltages of the
bipolar diode, has a lower forward drop at comparable currents and much better switching
characteristics. We then look at the power BJT, whose structure, which is required to support
high voltage and high current simultaneously, reduces its usable switching frequency. Next we
consider the power MOSFET, including the superjunction MOSFET, through which current
travels vertically instead of laterally as discussed in Chapter 16. We then review the IGBT as a
combination of the power BJT and MOSFET, which provides a very high voltage and current
capability at the expense of switching speed. We also discuss the favorable characteristics of
devices fabricated in the wide-bandgap materials SiC and GaN. Following this we consider
the SCR as the regenerative connection of an npn and a pnp transistor, and the TRIAC. We
conclude with a description of the device datasheet and its interpretation.

Bipolar Diode

The characteristics limiting the reverse voltage rating of a bipolar diode are leakage current
and avalanche breakdown. Although we discussed both phenomena in Chapter 16, a number of
simplifying assumptions are not consistent with the behavior of a device designed specifically
for power applications, To block a high reverse voltage, a power bipolar diode requires a wide
space-charge layer at the junction. This has implications for its behavior in both forward and
reverse bias. Under reverse bias the leakage current of the device is substantially larger than
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that given by (16.44). And in forward bias the additional resistance caused by the increased
device dimension necessitated by the wide SCL produces a resistive forward voltage drop in
addition to the junction drop. This drop is mitigated by conductivity modulation of the region,
but results in a forward voltage transient before the region if fully conductivity modulated. In
addition, at high currents the excess charge in the neutral regions on either side of the junctfon is
substantial and requires time (known as the reverse recovery time) to be removed when switching
from conducting to blocking.

Leakage Current

In Chapter 16 we showed that a forward-biased diode whose neutral regions are in low-level
injection — and are long compared to the minority carrier diffusion lengths — have the excess
carrier profile shown in Fig. 17.1 and an i~ relationship of

qD;,n-2 qDen2 i
J = L 2220 | (et /oT 1) = g, (/KT — 1) 17.1
{NDLh TN C ) =i (e ) (7.1)

In reverse bias, that is, v4 <« 0, J = —J;, where J, is the leakage current density.

For Si at room temperature and under forward bias, J; as defined by (17.1) is typically very
small compared to J. For instance, if we assume that u4 = 0.6V, J is 2.6 x 1019 times greater
than J. Such a small leakage current results in negligible reverse-bias power dissipation, even
when the diode is blocking several thousand volts.

However, J; is proportional to nl?, which is a strong function of temperature. That is,

n? oc T3¢ EelkT, (17.2)

At 25°C, n? ~ 2 x 102 /cm®, but at 175°C (a typical maximum operating temperature for a
power diode) n? = 3.8 x 10%” /cm®. This seven orders of magnitude increase gives a leakage
current whose effects are no longer negligible.

Carrier Generation in the SCIL. and Diffusion Regions We know that not all the current in
a reverse-biased diode is accounted for in (17.1). As discussed in Chapter 16, electron—hole

n region p region

&
S S

s

Figure 17.1  Excess minority carrier concentrations in a long diode. (a) Forward bias, (b) Reverse bias.
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Example 17 1 Calculatron of Leakage Current Components

. For the drode descrlbed by (17 1), assu’ e that 1 te'
. 1015 /cm3 These dopmg concentratlons are such that for a reverse voltage of Y

, thls value of Jsia forward -biased current density: of 3 A/cm2 requrres up =05

' hrgh-level mjectron, we can expect 1t to carry a forward current densrty of 50 A/om~ ,
: Operatmg at thrs current densrty, the dlode S dlSSIpdtlon is 50 W/cm o ~

‘ neghgrble compared to the forward blas dlssrpatron

- bias drssrpatlon is1 W/cm “which is stlll small but is quickly becommg 1mportant A ‘ 00 °C Jé
’ ;10—3 A/cm JSCL = 13 x 1()*3 A/cm and the reverse drss1patxon is 30W/cm ;

17 Power Semiconductor Devices

pairs are thermally generated throughout the device at a rate that depends on the intrinsic
concentration »;, which in turn depends on temperature, In thermal equilibrium, this generation
is exactly canceled by recombination, which occurs at a rate proportional to the product of the
carrier concentrations, The result is that #,p, = n2 everywhere in the device. When the dlode is
reverse biased, however, it is no longer in thermal equ111br1um The excess carrier concefitrations
within the space-charge layer and the adjacent diffusion regions are substantially below their
equilibrium values n, and p,. In these regions, then, the thermal generation rate, which is
independent of »n and p, exceeds the recombination rate. The carrier concentrations do not build
up because the thermally generated carriers are swept out of the SCL by the intense electric
field that exists there. Holes flow to the p region’s contact and electrons flow to the n region’s
contact. These carrier flows give a component of the measured reverse-bias leakage current not
accounted for by (17.1).

The generation rate in the depleted and diffusion regions is proportional to #;, which is a
function only of material and temperature. If we define a characteristic lifetime rgcy, so that the
generation rate is G = n;/tscL, the total current density caused by thermal generation in these
regions is
q(Le + Ly + £y + £o)n;

TSCL ’
where (L + Ly + £, + £,) is the width of the SCL and adjacent diffusion regions.

Because the width of the SCL and the diffusion regions are so long in a power device, we
make zgcL as large as possible. This lifetime is related to, but is usually longer than, the low-
injection-level minority-carrier lifetimes 7, and 7. In general, Jscp is much larger than J; at
room temperature, but at high operating temperatures J; is larger.

JscL ® q(Le + Ly + £p + £1)G = (17.3)

T O,Hs;:' scL = 10us, and NA :

We calculate Js at 25 °C usmg (17 1) and parameters from TabIe 16 1 obtam g‘z 4 x

very low compared to the typrcal current densrty for a power drode but is about 3

: w1dth of the SCL and drffusron regrons is therefore approx1mate1y 50 urn at 100 Vr At room' tempera re, :

thrs wrdth yieldsa thermally generated leakage current JSCL' = 'I 12 x 10~ 6 A /cm A

AL175°C, J; = 46 x 10*—3 Afem? and Jscr = 545& 10-3 A/cm

A precise quantitative prediction of leakage current requires consideration of effects in
addition to those discussed here. For instance, temperature affects lifetimes, and generation
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Figure 17.2  The i—v characteristic of a power diode, showing the fast rise in reverse leakage current when
the avalanche breakdown voltage — Vg is reached.

within the SCL is not uniform. However, we can draw some important conclusions from the
preceding analysis:

e Generation in the wide SCL and diffusion regions of a power device will yield substantially
more leakage current at 25°C than is predicted by the classic diffusion model, (17.1).

« To keep the leakage current acceptably small, the minority carrier lifetime in the SCL should
be as long as possible.

e The component of leakage current resulting from thermal generation in the SCL, JscL,
grows as n;, which approximately doubles for every 11 °C increase in T" between —50 °C and
200°C. But J; grows as n?, so it eventually dominates at high temperatures. This increase
in reverse leakage current limits the maximum operating junction temperature of a power
device.

17.1.2 Avalanche Breakdown

We assumed in Chapter 16 that applying an electric field to a semiconductor causes the
holes and electrons to flow with a velocity proportional to the electric field. Actually, the
particles frequently collide with the lattice imperfections (impurity atom sites, physical defects,
or phonons). What we really meant was that the average velocity of the particles is proportional
to the electric field. If the electric field is strong enough, the velocity of a particle becomes
large enough that, during a collision, energy is imparted to the lattice to create an electron—hole
pair. This process is called impact ionization. It is a multiplicative process: the newly generated
particles are accelerated by the field, collide with the lattice, and create additional electron-hole
pairs, and so on.

As the reverse bias voltage across a diode increases, so does the peak electric field in its SCL.
In Si, when the field reaches a magnitude of about 3 x 10° V/cm, the impact ionization process
begins. This field is up to an order of magnitude larger for wide-bandgap materials like SiC
or GaN. The number of electron-hole pairs generated in the SCL by impact ionization grows
very quickly with increasing electric field above this value. Because these generated carriers add
to the thermally generated ones to give more reverse leakage current, the diode’s reverse bias
characteristic looks like that shown in Fig. 17.2. When impact ionization reaches an infinite
rate, we say that the diode is in avalanche breakdown.




498

17 Power Semiconductor Devices

v4 <0 va <0 v4 <0
+ + +
.____Ii___ P —E P ~E. &
_____ N, f— e o — — Lagrwee"] E
SCL SCL{ n < SCL{ v \\
_____ - w [ — — ™ I
n- nt nt
x . x

@ (b ©

Figure 17.3  Evolution of the pin diode structure. (a) Conventional asymmetric diode with a large n~
substrate resistance. (b) The diode of (a) with the neutral part of the n~ region replaced by
a low-resistance n region. (c) The diode of (b) with the n™ region replaced by a very lightly n-
doped v region, producing a pin (or pvn) diode. The resulting field distributions for (b) and (c)
are also shown.

The onset of avalanche breakdown occurs approximately when the peak electric field in the
SCL reaches a critical value, E,. This statement is not strictly accurate, because the avalanche
process requires that impact ionization occur over some minimum distance so the multiplication
process can sustain itself. Because the gradient of the electric field is much greater in the SCL
of a heavily doped diode than in the SCL of a lightly doped diode, the distance over which
ionization occurs is shorter. The peak electric field can therefore be greater in a heavily doped
diode before avalanche begins. For a doping level of 10'6/cm? (typical of a 40-50 V device),
E. ~ 3.7 x 10°V/cm, but for a doping level of 104 /em? (typical of a 8001000V device),
E.~2.1 x 10° V/cm,

17.1.3 pin Diode

A reverse-biased, asymmetrically doped diode supports nearly all the voltage across the SCL in
the lightly doped n™ region. Making a vertical power diode by simply diffusing the p* region
into an n~ substrate, as shown in Fig. 17.3(a), would result in a large n~ substrate resistance
and a large resistive component of the forward drop. The reason is that the substrate must be
about 500 um thick to maintain mechanical integrity, which introduces a large series resistance.
However, because the SCL has a width of between 10 and 200 um, sandwiching a relatively thin
n~ layer between p* and n™ layers, as shown in Fig. 17.3(b), can lower the resistive component
of the forward drop. The figure shows the field distribution when the voltage is such that the
critical field, E, occurs at the junction.

Doping the n™ region so lightly that it is nearly intrinsic (a doping level well below n~
sometimes referred to as v) further improves performance. The resulting electric field magnitude
is shown in Fig. 17.3(c), with v, such that the field is again E, at the junction. Because the field
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distribution is almost rectangular, the i region width is half that of the n™ region of Fig. 17.3(b)
for the same voltage rating. The diode of Fig. 17.3(c) is called a pin diode. In a practical device,
the intrinsic region is really very slightly n-type (v) ot p-type (77), and the device isknown as a pvn
or prrn diode. Almost all power diodes have this type of structure, which we refer to generically
as a pin diode. The highly doped n* region quickly terminates the field and is sometimes kifown
as a field stop layer.

. Example 17 2 Electrlcf f‘:'eld and Breakdown Voltage of a pm Dlode ;‘;V '

. If the dopmg concentratlon in the n~ regxon of the drode shown m Flg 17. 3(b) is N D = 2 x lOl4lcm :

_ what is the minimum width, w,of thxs region: resulting in the maximum breakdown voltage? We assume that ;

~ the SCL ends atthen -nt - Junctxon, soall the voltage 1s dropped across the n~ region, When the devrce o

 justi reaches avalanche breakdown, the field i is —F¢ at the pr-n~ junctlon and 0 at the n ~n”{” Junctlon, as
, shown in the ﬁgure Usmg Gauss S law and e ,’lI 8 eo, we determme E (‘c), the ﬁeld in thrs reglon

(17 &
<175>.ff

; :The w1dth W necessary to create thrs condltxon is determmed by.settmg (l7 5) to zero. For a doprng,
‘ ‘concentratxon of Np = 2 x lO14 the crmcal ﬁeld Ec '*2 ;x 05 V/cm, gwmg w = 65 um Smce the ,
; E ﬁeld 15 tnangular VBR is easﬂy calculated o Lo i

',If‘ we now reduce N D to lOIz/cm3 to create thc, vregron showny in Frg 17 3(0) what is the resultmg wrdth'
7w requlred to support the same 660 V? The field in the v regron is now trapezordal and if we 1gnore the
‘ : rrow SCLs in the p+ and n+ reglons the resultmg ﬁeld in the v reglon is*

S (17 7)
w at V 660V The resultmg w1dth ,

~We calculate the requrred wrdth by mtegratmg E,, and solvmg for x',
fsw= 33 um, whlch isa substantlal reductron o o

17.1.4 Forward Bias

We based the analysis leading to the pn diode i~v characteristic, (17.1), on the assumption that
both sides of the junction were in low-level injection. This assumption is not valid for the intrinsic
region of a pin diode because in this region n ~ n’ 3> n, and p ~ p’ > p, at any reasonable
injection level, and since neutrality requires #' = p', n ~ p in the neutral regions. When the
total carrier concentration in a region is dominated by the excess concentration, as in this case,
we say that the region is in high-level injection, also called conductivity modulation, because the
conductivity is no longer determined by the majority doping concentration —it is now a function
of injection level.

The diode we choose for analysis is shown in Fig. 17.4, along with its minority carrier
concentrations. We assume that the width of the intrinsic region W; is comparable to the
characteristic diffusion length. The intrinsic region is in high-level injection everywhere, but the
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Figure 17.4  (a) A one-dimensional pin diode structure. (b) Carrier concentrations with the intrinsic region
in high-level injection. (c) The electric field in the intrinsic region.

heavily doped p* and n™ regions remain in low-level injection. Because the end regions are so
heavily doped, the diffusion of minority carriers in these regions is negligible, as it was in the
heavily doped side of the asymmetric diode analyzed in Chapter 16. Only hole current flowing
by drift is significant in the p* region, and only electron current flowing by drift is significant in
the n™ region. These holes and electrons flow into the intrinsic region where they recombine. It
is this recombination that determines the terminal current.

Because n' = p/, in high-level injection the recombination rate for holes and electrons is
the same and is characterized by the ambipolar lifetime, t,. Furthermore, as the majority and
minority concentrations are the same, we can no longer make the approximation that the
minority current flows only by diffusion. The continuity equations in the intrinsic region must
now contain the drift term that we eliminated in our analysis of the diode in low-level injection.
Including the drift term, the continuity equations are

on _19J, o

a  q ox 1,
E an Pn n
=MC%*+E~)+Q—~—~, (17.8)
X X
dp 1o, p
ot qg o0x Ty

OE
= —u <p_x+E L7 (17.9)

0x2 1,
The concentrations are equal to each other and dominated by their excess in high-level injection,
thatis,n~n =p=~p’ Recognizing this, (17.8) and (17.9) can be rewritten as
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on’ 90E  _on ?n
E:Me(n/f);_!_EE)—;)_l_DgW—a’ (17.10)
an’ JOE  _on W

o _ OF g\ ,yp tn_1" 17.11
ot K <n % T ax) LY T4 (ﬁ_ )

Multiplying (17.10) by Dy and (17.11) by D, and adding the two equations gives

on’ oF on’
(D¢ + Dh)a = (eDp — pDe) (n/"‘ + E—‘—)

ox 0x
8w n
+ 2D8Dh——2— — (Dg + Dp)—. (17.12)
0x T

Substituting for u, and uy in (17.12) using the Einstein relation, u = (¢/kT)D, and simplifying
yields

on’ 32n/ !

n n
(De + Dp)— = 2D Dy——5 — (De + Dp)—. (17.13)
at ax T
The continuity equations in high-level injection are
on’' a2n o
=Dy — — —, 17.14
ot “ox: 1, ( )
ap/ 82p/ p/
N — 17.15
3t “oaxt 1, 17.15)
where D, is the ambipolar diffusion constant,
2DeDh
= 17.16
“= 5. 7D, (17.16)

Because # = p/, (17.14) and (17.15) are identical. We solve them to determine the spatial
dependencies of the carrier concentrations and the diffusion components of the currents in the
intrinsic region. As in our previous analyses, the concentrations vary exponentially with x. But
the characteristic diffusion length, called the ambipolar diffusion length, L, = ~/Dyt,, is now the
same for both holes and electrons.

There is also a drift component of current in the intrinsic region, and the drift field gives rise
to a voltage drop, v;, which adds to the on-state voltage of the diode. Using a straightforward
calculation, we can obtain the value of this drift field, E;:

kT dn’
Jo = qlie (fq_ d_’; + n’E,-) , (17.17)
kT dp
Jn = qun (—7 & +p’Ei). (17.18)

Because J, + J, = J (the total diode current), which is constant throughout the device, and
n/ =p/
» £ kT(,ue—,uh>1£i£’ J
g et/ Wodx o qQue 4 upn’

(17.19)
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The first term in (17.19) is the field necessary to ensure quasi-neutrality when u, # uj (and,
therefore, D, # D). The second term is simply the ohmic drop in the conductivity modulated
intrinsic region. The conductivity of this region now depends on injection level, and is o; =
q(the + pp)r. »

An interesting consequence of high-level injection is that the electric field E; is independent of
injection level and therefore of current. We can show this condition as follows, The solution to
the diffusion equation, (17.14), is a pair of exponentials with characteristic length L,. Thus, the
first term in (17.19), in which the spatial derivative of #’ is divided by #’, does not depend on #’.
And as we assumed that all the current flowing through the diode results from recombination
within the intrinsic region — and as this recombination is proportional to the excess carrier
concentration — we know that J o #’. The second term in (17.19) is therefore also independent
of #'. Thus, the electric field E;, and therefore the voltage v;, are dependent only on physical
parameters and the length of the intrinsic region.

The i—v characteristic of the pin diode of Fig. 17.4(a) can be determined by assuming that
D, = D) = D, and therefore u, = wy in the intrinsic region. This is a reasonably accurate
assumption in regions of very high-level injection. Because the pt and nt end regions of the
diode are heavily doped, their conductivity is high and we can ignore the voltage drop across
these regions. With these assumptions the terminal voltage v, is the sum of the junction drop
and the drop v; across the wide intrinsic region. Although we do not give the details of the
calculation here, the inttinsic region drop is

Wi/2 2kT w; W;
;= Ejdx = ——sinh { —~ )} tan™! | sinh { —~ } | . 17.20
V; /;W,-/z i dx 7 sin <2La) an [sm <2La>] (17.20)
For W;/2 < L,,
26T [ Wi\ 2
e 17.2
B q (ZLa), (1721

and for W;/2» L,,

kT
v~ XL J(Wij2La), (17.22)
2q

If we assume v; is small enough to ignore, the v—i relationship of a pin diode is

’ 2qL,n; Wi
J t quq /2kT . .
= . anh (———2 - (e — 1) (17.23)

Note that the current is now proportional to e¥4/2, Using L, = /D7, to substitute for z,
results in a relationship similar to that for the short diode of Example 16.3, the major difference
being that for a given current the pin diode produces twice the forward drop of the short diode.
We have also ignored any ohmic drop in the intrinsic region, which, depending on temperature
and the width of the region, would produce an additional drop not present in the short
diode.
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jf‘f'ExampIe 17 3 Forward Drop m the lntrmsnc Regmn

: We con31der a 600V 100 A pm dlode thh an mtrmsw reglon w1dth W, of 240 um and an amb1polar carmer .
_ lifetime of 1 us.. The ‘ambipolar dlffusmn constant for Si at 300K is approxxmately 15cm?/s, yielding a
- diffusion length La _,«/Daza of 40 },Lm Since Wi/2 > Ly, we - calculate the drop using (17.22), which gives
- a value of O 79 V Thxs isa 31gn1ﬁcant addltlonal forward drop contrlbuted by the ﬁeld in the mtrmsm reglon

17.1.5 Additional Effects of High Current Densities

Two phenomena reduce the ambipolar diffusion length L, at the high carrier concentrations
reached when the diode’s current density gets very large. One is carrier—carrier scattering, which
reduces the mobility of the carriers and therefore the ambipolar diffusion constant D,,. The
other is Auger recombination, which reduces the ambipolar lifetime z,. As the diode current
increases, the corresponding reduction in L, caused by these two effects makes the voltage across
the intrinsic region v; grow quickly, as expressed by (17.21) or (17.22).

The injection-level dependence of L,, the increased significance of end-region diffusion
currents, and the increase of the n,p, product cause the i—v characteristic of a power diode,
(17.23), to bend at high currents. Figure 17.5 shows the curve that results from these effects.

17.1.6 Temperature Dependence of J

We show in (17.23) that the diode current is proportional to #; if the injection level is not too
high. The temperature dependence of #; is

n; o T3/2e~Ea/ 2T (17.24)

qva
kT

Figure 17.5 The i~v characteristic of a typical power diode, showing the curve bending at high currents
because of high-level injection effects.
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Because n; increases more rapidly than e7%/%7 decreases with increasin g temperature, J increases
with temperature for a given L, and 7,. Conversely, the forward drop decreases with temperature
if the forward current is fixed. Although we do not discuss here how L, and t, vary with
temperature, the effect of these additional temperature dependencies is to increase the ®urrent
flowing through a pin power diode with temperature for a given applied voltage.

Switch Transitions in a pin Diode

We now turn to the transitions of a diode between its static on and static off states, For simplicity,
we ignore the capacitance of the SCL and focus on the dynamics of the excess stored charge in
the neutral regions outside the SCL. We can easily add the effects of the SCL to those we describe
here. We also ignore the change in the lifetime in the intrinsic region as the device goes from no
excess carriers to high-level injection, and the effect of the doping concentration in the intrinsic
region on the nature of the transitions.

The two salient phenomena during switching are the forward recovery voltage and the reverse
recovery current. While all bipolar diodes exhibit these phenomena, they are greatly aggravated
in power diodes because of their wide SCL.

Forward Recovery

We consider first the turn-on transition, in which the diode current steps instantly from zero to
Ir. As Fig. 17.6(a) shows, the terminal voltage v, first rises to a value V1p that is much higher than
the static forward drop. It then decays to the steady-state value vy, determined by the current
Ir. This process is called forward recovery, and Vip is known as the forward recovery voltage. The
duration of the forward recovery process is called the forward recovery time .

We can explain the overshoot in the diode voltage by considering how the carrier concentra-
tions in the intrinsic region change during the turn-on transition. Initially, there are no excess
carriers. However, as the forward current flows, holes drift through the p* region and are injected
into the intrinsic region. Similarly, the electrons drift through the n* region and are injected into
the intrinsic region. Over time, these injected carriers accumulate, as indicated by the profiles
shown in Fig. 17.6(b).

Consider the cartier profiles at ¢, a short time after the forward current starts flowing. As
Fig. 17.6(b) shows, the carriers build up near the junctions but not in the center of the intrinsic
region. Some of the holes injected into the intrinsic region at the p*t—i junction add to the
accumulation of carriers at this junction, and the rest flow across the intrinsic region to add
to the accumulation of carriers at the i-n™ junction. Similarly, some of the electrons injected at
thei~n* junction flow across the intrinsic region to add to the accumulation at the p*—i junction.

How do these injected carriers flow across the intrinsic region? Not by diffusion, because at
this time there is no gradient to the carrier profiles in most of the i region. Therefore, flow in the
middle of the i region must be by drift. The voltage that results from this drift is very large. The
reason is that the i region is not in high-level injection, so its conductivity, o; = guen + qupp, is
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Figure 17.6 Forward recovery of a pin diode. (a) Typical diode voltage and current waveforms during the
turn-on transition. (b) The time evolution of excess carrier concentrations in the neutral regions
of the device.

very low and yet the region is carrying the full current Ir. Even if the region is not intrinsic, but
is a lightly doped v or 7 region, its resistance is high compared to its value upon reaching high-
level injection. This resistance is the source of the peak transient voltage ¥y, of the waveforms
of Fig. 17.6(a).

As time passes, the growing carrier concentrations in the middle region modulate the region’s
conductivity and reduce its resistance. As a result, the voltage across the middle region drops.
When the carrier concentrations reach their final value, so too does the diode’s voltage. The
charge in the middle region at steady state is proportional to the forward current (Ir « Q/ 74).
Hence, the time required to supply this charge — in other words, the duration of the forward
recovery transition — is approximately z,.

1350 cmZ/Vs at thxs concentratlon Wxth I = 5() A the drop across th1s reglon is 9 25 V hICh is the' |
iode peak forward recove voltage o , ; o o
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Reverse Recovery

Consider the diode in the circuit of Fig. 17.7(a), where, for < 0 and ignoring the forward diode
drop, it is carrying a forward current of Ir = Vg/Rp. At t = 0, the switch connects the diode to
the negative voltage ¥z through a second resistor, Rp. Because the excess charge in the jpregion
and diffusion regions of the diode cannot change instantaneously, the p*—i and i-n™ junctions
remain forward biased for some time after 1 = 0. As the diode voltage is approximately zero
during this time relative to Vg, the diode current is negative and equals — Vr/Rpg. This reverse
current aids the removal of excess charge, until the concentrations at the SCL edges become
negative and the junction can begin to support a reverse voltage. This process is called reverse
recovery.

Figure 17.7(b) shows how the carrier profiles in the intrinsic region change as the reverse
recovery current flows. Note that, just after t+ = 0, the excess carrier concentrations at the
junction edges are still positive, and therefore the junction voltages are also positive. To support
the negative current, the excess carrier distributions develop a negative slope near the junction
edges. Holes diffuse out of the intrinsic region, are injected into the p* region, and drift to the
left ohmic contact. Similarly, electrons leave the intrinsic region at the i-n™ junction and drift
to the right contact. So long as the excess concentrations at the SCL edges are greater than
zero, and | VR| > v, the total diode current equals — V'g/Rg. Continuing recovery current flow
eliminates the excess carrier concentrations in the intrinsic region, as the profiles in Fig. 17.7(c)
show.

AN, ip

(@ Rp

|
f I
! |
t <0 tincreasing D I I
| |
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0 t
- Vp+
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Figure 17.7 (a) A hypothetical circuit to illustrate pin diode reverse recovery. (b) Carrier profiles in the
intrinsic region during the turn-off transition. (c) Waveforms showing reverse diode current
during the reverse recovery time tyy.
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After the excess carrier concentrations at the junction edges reach zero, the concentration
gradients decrease and the diode current can no longer be maintained at ip = —Vg/Rg. As |ip|
decreases, the drop across Rg also decreases. The difference between Vg and the voltage across
Ry appears across the diode SCLs, which begin to widen. The dynamics of this process produce
an approximately exponential rise of ip to zero and fall of vp to — Vg, as Fig. 17.7(c) shbws.
During the initial phase of the reverse recovery process, the diode voltage changes only slightly
from its static forward value vr (the small decrease results from the change in sign of v; that
occurs when the current changes direction).

The duration of reverse current flow in the diode is #,,, the reverse recovery time. Based on our
discussion so far, #,, is directly proportional to the reverse current I and the charge Q that is
initially stored in the intrinsic region. However, reverse current does not remove all of this stored
charge; some of it recombines. How much depends on the magnitude of the negative current
relative to the forward current. The initial stored charge is Q = Irt,. If Ig 3> I, almost all the
stored charge is swept from the intrinsic region in a time much less than z;, and only a small
amount will be removed by recombination. But if Ig < Ir, a substantial fraction of the charge
will recombine. In the limit of Iz = 0, when all the charge is removed through recombination,
the reverse recovery time is ¢,, ~ .

From the preceding qualitative discussion of the turn-on and turn-off transitions of a pin
diode, we can conclude that the less charge the diode stores for a given forward current, the
faster the diode will switch. As Q = Irt,, the way to store less charge is to shorten the lifetime.
However, doing so reduces L,, resulting in less conductivity modulation of the intrinsic region
and a higher on-state drop, v;, across it, as given by (17.21) and (17.22). For this reason, the
forward drop of a fast bipolar diode is typically greater than that of a slower bipolar diode.

The Schottky Barrier Diode

When metal leads are attached to a semiconductor device, the interface between the metal
and semiconductor is usually ohmic. An ohmic contact is one in which the resistances of
the contacting materials govern current flow. Obtaining a good ohmic contact between a
semiconductor and a metal is difficult. A great deal of research has been directed at developing
an understanding of this interface and the metallurgy necessary to produce ohmic contacts.
When we fail to pay attention to these processes, the result is a contact with a poor rectifying
characteristic, which was the basis for early “cat whisker” crystal receivers and point-contact
transistors. However, making a good, large-area, rectifying contact is even more difficult than
making a good ohmic contact. A diode made with a metal-semiconductor junction is called a
Schottky barrier diode, or SBD. The symbol for a Schottky diode is shown in Fig. 17.8.

ip

+vp —

Figure 17.8  The circuit symbol for a Schottky barrier diode.
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In principle, either n-type or p-type semiconductor material can be used to make a Schottky
diode, although n-type material is used because in Si electron mobility is greater than that for
holes. SBDs can be fabricated in Si, SiC, GaN, or GaAs, but we address here only Si and SiC
devices. Silicon SBDs typically have low reverse blocking voltage ratings — with max1mums on
the order of 100V — while SiC SBDs are available with ratings near 2kV. As we demonstrate in
this section, Schottky diodes offer two advantages over bipolar diodes. The first is that, for the
same current density, the forward voltage drop of a Si SBD is several tenths of a volt less than
that of a Si p-n diode. Although, because of its larger bandgap, the forward drop of a SiC p-n
diode (~3~3.5 V) is much higher than that of a Si p—n diode, the forward drop of a SiC SBD is
similar to that of a Si p—n diode, making the SBD an attractive application of SiC. The second
is that the current in a Schottky flows only by drift, so there is no need to accumulate or remove
excess carriers, thereby eliminating forward and reverse recovery phenomena.

The disadvantage of Schottky diodes is that they have more leakage current when reverse
biased than do bipolar diodes. This is especially true for Si Schottkys. Schottky diodes using
SiC, however, can have leakage currents in the pA range at reverse blocking voltages in excess
of 1kV. The parameters of SiC Schottkys are also less temperature dependent than those for
Si devices, especially the forward voltage drop. However, the forward drop for a SiC device is
usually higher than for a Si device.

The Schottky Barrier

Current flow across a rectifying metal-semiconductor junction is the result of thermionic
emission of electrons from the metal into the semiconductor and from the semiconductor into
the metal. In thermal equilibrium, these two flows are equal and there is no net current. When a
voltage is applied to the junction, one direction of electron emission dominates and a net electron
current results,

Because free electrons in the semiconductor are more energetic than those in the appropriately
chosen metal, more electrons initially flow into the metal. They leave behind a positive space
charge layer of donor atoms and create a compensating negative charge on the metal’s surface.

17.3.2 Forward Bias

We can now determine the effect of an applied junction voltage, v, on the flow of electrons
across the Schottky barrier junction. As for a bipolar diode, v; will change the SCL width. The
junction is highly asymmetric, so nearly all of v; appears across the semiconductor side of the
SCL. If v; > 0 (that is, the diode is forward biased), the electric field of SCL origin is reduced,
reducing the potential barrier to electron emission from the semiconductor. However, the barrier
to emission from the metal has been changed only slightly. The result is a forward current that
is a strong function of v; and consists of electrons flowing from the semiconductor to the metal.

Although we do not show the derivation here, the i—v characteristic of a forward-biased
Schottky diode is

Jp =1, (eq”f/kT - 1) , (17.26)
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which is identical in form to the characteristic of a bipolar diode. However, the current coefficient
J, is of a substantially different form from J, the leakage current as defined in (17.1) for a bipolar
diode. The current coefficient J, has different values in forward and reverse bias, as we show later.

The current coefficient J, for a forward-biased silicon Schottky diode is typically four to six
orders of magnitude larger than J, for a silicon bipolar diode. For this reason, its forward drop is
0.23-0.34 V lower than that of a bipolar diode operating at the same current density. This lower
on-state voltage is a Schottky’s major advantage.

Forward Voltage Drop The forward drop of a Schottky diode contains a component in addition
to v; that is equal to the voltage across the semiconductor. The resistance of this region has
two parts: (i) the lightly doped material into which the SCL grows in reverse bias; and (ii) the
heavily doped substrate. Figure 17.9 illustrates this structure. For low-voltage Schottkys (<40 V),
these two resistances are comparable because, even though the lightly doped region has a higher
resistivity, the heavily doped region is longer (typically 500 um versus 5 um). The total resistance
of a 1cm? silicon die might be 0.5-1 mS, giving a drift region drop of 50-100mV at a current
of 100 A.

The resistance of the lightly doped region quickly dominates the resistance of the drift region
as the Schottky voltage rating increases from approximately 40 V. The reason is that a higher
voltage rating requires a longer lightly doped region and a lower doping concentration, both of
which increase the resistance of this region. Unlike in the bipolar diode, conductivity modulation
does not reduce this resistance when the junction is forward biased. The large resistance is one
of the reasons that silicon Schottky diodes are not generally available at voltage ratings above
approximately 100 V.

Temperature Dependence of the Forward Drop The forward voltage drop of a Schottky depends
on temperature for two reasons: (i) the i~v characteristic, (17.26), has an explicit temperature
dependence; and (i) the resistance of the drift region in the semiconductor increases with
temperature because electron mobility decreases as temperature increases. The mechanism
responsible for this decrease is the increase in the amplitude of lattice vibrations. The first
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Figure 17.9 The Schottky diode structure showing the metal contact, the lightly doped region which
supports the reverse voltage, and the heavily doped substrate.
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Figure 17.10 The forward voltage drop vr as a function of temperature for a 50V, 100 A Schottky diode
operating at two different currents.

mechanism dominates the temperature dependence of the forward drop in almost all practical
Schottky diodes.

The forward voltage as a function of T is shown in Fig. 17.10 for a 50V, 100 A Schottky
diode. The influence of the drift region resistance at high currents is apparent from the different
slopes of the two curves in the figure.

17.3.3 Reverse Bias

Under reverse bias, the barrier to the flow of electrons from the semiconductor is greatly
increased, virtually preventing electron flow from the semiconductor to the metal. Reverse
current consists primarily of electrons flowing from the metal to the semiconductor. Because
of the voltage dependence of the metal barrier height, this current is a strong function of
reverse voltage, even though it is still much smaller than the forward current. This reverse voltage
dependency makes the leakage current much greater than —J,,. The dissipation resulting from
this leakage current is the principle determinant of the reverse voltage rating of a Schottky
diode.

17.3.4 Switch Transitions in a Schottky Diode

The ideal Schottky diode is a majority carrier device, meaning that, generally, negligible excess
charge is stored during any operating condition. However, minority carriers do constitute a
normally negligible component of total device current. But in high-voltage Schottkys there
is minority charge storage in their lightly doped regions, and because in high-voltage devices
this region is wide, high-voltage Schottkys do exhibit reverse recovery behavior. In addition,
the Schottky diode contains SCL capacitance, which must be charged and discharged during
switching.
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17.3.5 Selection of Barrier Metal

17.4

17.4.1

Because the potential of the Schottky barrier depends on the work function of the metal
contact, we can change the forward and reverse characteristics of the diode by using different
metals. Chrome, molybdenum, platinum, and tungsten are typical choices. Chrome giveg the
lowest junction drop but the highest reverse leakage current, so it is usually reserved for low-
temperature applications. Tungsten is commonly used because, although it has the highest
forward drop of the metals mentioned, it also exhibits the lowest leakage current and so can
be used at high temperatures.

Power BJT

As we noted in Chapter 16, although the BJT has been largely displaced by the power MOSFET
and IGBT, familiarity with its operation and characteristics is necessary for understanding the
behavior of the SCR and IGBT. The power BIT differs from the BJT discussed in Chapter
16 primarily in its structure required to support high voltages, which results in corresponding
behavioral differences.

Structure and Operating Regions of the Power BJT

Figure 17.11(a) shows a cutaway view of a typical npn bipolar power transistor. It is a vertical
device, with the collector connection on the bottom (substrate) of the die and the base and
emitter connections on the top. Note from the top view in Fig. 17.11(a) that the base and emitter
metal traces are interdigitated. This pattern is used to keep the distance between the base contact
and the centerline of the emitter (line A-A4") short, the reasons for which we discuss later.

Looking at the profile of the doping concentration along line 4-A4’, you can see the one-
dimensional representation of the transistor shown in Fig. 17.11(b). Note that the collector of
this transistor has two regions: a lightly doped v region not present in a conventional (signal-
level) transistor, and a heavily doped substrate. The purpose of the v collector region, which
is more lightly doped than the p-type base, is identical to that for the pin diode — to make the
collector—base junction SCL grow into it, rather than into the base. The SCL can then be allowed
to punch through to the substrate region, as shown in the plot of £ in Fig. 17.11(b). As with
the similar pin diode structure, we can nearly double the breakdown voltage for a given v-region
width by allowing this punch-through to occur.

When this transistor is in its on state, the entire v region is in high-level injection so that
its contribution to the on-state drop is small, and current flows by drift. For this reason, we
sometimes refer to the v region as the drift region. The operating condition during the drift
region’s transition to high-level injection results in four, rather than the usual three, distinct
regions of operation.

The first is the off-state region, also known as cutoff. In this region both the collector-base
and emitter—base junctions are reverse biased, the v region is depleted, and the collector current
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Figure 17.11 The npn power bipolar junction transistor. (a) Top and side-section views of the transistor.
(b) One-dimensional representation of the power transistor doping profile along the line 4-4’
bisecting the emitter, and the charge, electric field, and potential profiles of the reverse-biased
collector-base junction.

is approximately zero. The second is the forward-active region, where the collector—base junction
is strongly reverse biased, while the emitter—base junction is forward biased. Operation in this
region resembles that of a conventional transistor. At low values of vcp, corresponding to low
values of vcg, when the v region is not yet in high-level injection (conductivity modulated) the
transistor enters the third region, called guasi-saturation, corresponding to a forward-biased p-v
junction that injects excess carriers into the v region, so that parz of this region is now in high-
level injection. The fourth region of operation, hard saturation, occurs when the entire v region
is conductivity modulated, and vcp assumes its lowest on-state value for a given current. The
transistor characteristics in each of the four operating regions in the ic—vcg plane are shown in
Fig. 17.12,

The Cutoff Region One might reasonably expect the voltage rating of the transistor in cutoff
to be determined by avalanche at the collector base junction. However, this is only true if
the emitter is open-circuited. In this case the breakdown voltage is ¥ ¢cpo. But the emitter is
infrequently open-circuited, resulting in transistor action which produces a multiple (8r) of the
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Figure 17.12 The ic~vcg curves for an npn power transistor with a v collector region.

base current at the collector junction. For this reason the maximum collector-emitter voltage
rating of a BJT is a function of the conditions existing at the base terminal.

If the base terminal is left open, the only source of majority carriers (holes) to support excess
charge in the base is the leakage current of the collector junction. But this leakage current has
the same effect as the base current in determining excess base charge and therefore the emitter
current. Because of transistor action, this emitter current is larger than the “base” (collector
leakage) current by a factor Bp, and as the base is open, this increased emitter current will
increase the collector current by the same amount. The multiplicative avalanche process further
increases the collector current as vcg is increased, creating a positive feedback process, which, at
some value of collector leakage current, becomes unstable, resulting in unconstrained collector
current. The collector—emitter voltage at which this occurs is known as the sustaining voltage,
V cEO(sus)» Which is lower than Vcpo. If the base terminal is not open, Vcgy (where X refers to
the base terminal variable) is a function of ig, decreasing for i > 0 and increasing for i < 0,
as shown in Fig. 17.13.

The Forward-Active Region From its off state, the transistor enters the forward-active region
when the emitter junction is forward biased and minority carriers are injected into the base
region. In most of the forward-active region, the collector is strongly reverse biased and the
entire v collector is depleted. At small values of reverse bias, however, the v collector is not
depleted but presents a region of high resistance to the flow of collector current. The value of
this resistance, Ry, is

W,

= ——, 17.27
Y q,UfeNDvAv ( )

where A, is the cross-sectional area of the v region.

Figure 17.14(a) shows a simple model for the transistor when it is operating in the forward-
active region but at low collector—base voltages where the p—v junction SCL is very narrow.
Figure 17.14(b) shows the corresponding minority carrier distributions. The p-v junction SCL
is not shown because it is so narrow at the low vcg. The transistor will continue to operate in
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Figure 17.13 Typical ic-vcg curves for an npn power transistor showing the sustaining breakdown voltage
as a function of ig and its relationship to Vpo.
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Figure 17.14 (a) A simple model for the power BJT operating in the forward-active region. (b) Excess
minority carrier distributions in the power BJT operating in the forward-active region.

this region so long as the collector-base junction (p—v) remains reverse biased. If we assume
that vpr = 0.8V, this junction is reverse biased if vcg > ic Ry, + 0.8 V. On the veg—ic plane, this
boundary between the forward-active and quasi-saturation regions is a straight line with a slope
1/R,, intersecting the v axis at vpg = 0.8V, as shown in Fig. 17.12. The region between this
boundary and the +v¢g axis defines forward-active operation.
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Figure 17.15 Carrier distributions for a transistor in hard saturation, The dashed profiles are those at the
boundary of quasi- and hard saturation.

The Quasi-Saturation Region At the quasi-saturation region boundary with the forward-active
region the p—v junction voltage is zero and vcg is the sum of iR, and vpg. As veg continues to
decrease, the p—v junction becomes forward biased and the v region begins to enter high-level
injection and conductivity modulation, reducing R,. To match the decrease in vcg, ic must
decrease, which is what we see in Fig 17.12.

The Hard-Saturation Region If, for a given collector current, we drive the transistor with a high
enough base current ig, we will push it into the hard-saturation region. Figure 17.15 shows the
carrier profiles for a transistor in this condition. The slopes of the profiles in the base and v
regions are the same as they were at the onset of saturation, but the levels have shifted upwards.
Although the collector current has remained constant, the hole current injected into the
emitter from the base increases by the same factor that the excess electron concentration at
x = — Wp has been increased. Furthermore, because the v-n"T junction is now forward biased,
holes originating as base current will be injected into the n™ collector (similar to reverse injection
of holes into the emitter). For these reasons, the required base current quickly increases as we
try to push the transistor further into the hard-saturation region, and the gain falls rapidly.
The common-emitter current gain Sr = I¢/Ip is a very important parameter for users of
power transistors (this gain is often labeled App in specification sheets). But unlike users of
signal-processing transistors, who only want to know g in the forward-active region, we want
to know B at the onset of saturation in order to determine the minimum base current needed
to ensure the on state. As noted above, r falls rapidly at high current levels as the transistor is
pushed into hard saturation. While signal level BJTs have active region Bps in the 100s, power
BJT’s gains in saturation are in the low double or even single digits. But the gain also falls at very
low current levels because of the base current needed to support recombination in the emitter—
base SCL. This also corresponds to a decrease in the emitter efficiency, yg, the ratio of electron
current to hole current at the emitter junction discussed in Section 16.3.2. We will see that this
current dependence of yg is critical to the operation of the SCR. A typical specification of B
as a function of collector current at constant vcr is shown in Fig. 17.16. Note that the gain is
specified at vcg = 4V, which is not very deep into hard saturation. Driving the transistor harder
to reduce vcg will further reduce the gain. Note that the gain is also temperature dependent.
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Figure 17.16 A typical specification of common-emitter current gain (8f) as a function of collector current
while holding V¢ = 4 V. The parameter B, is the value of B specified in the datasheet.

Switch Transitions Figure 17.17 illustrates typical switching waveforms for a bipolar transistor.
Consider the turn-on transition first. At 1 = 0 the device is cut off and the base current makes a
step change from 0 to +Ip,. The transistor must first pick up the load current, as it commutates
from the diode, before vcg can fall, since the diode cannot support reverse voltage while it is
conducting forward current. The collector voltage falls quickly at first but then “tails off” for
the last few volts, reaching its final value only after the voltage tail time, t,;. This behavior is
similar to the forward recovery of a bipolar diode, and is caused by the gradual drop in the
resistance of the transistor’s v-collector region as it becomes conductivity modulated.

During turn-off, when the base current switches from +1p, to —I,, the excess charge in the
base and v regions begins to decrease, but their gradients remain unchanged so i¢ remains
constant. When the excess concentration at the collector v—# junction reaches zero, we enter
the quasi-saturation region and the fraction of the v-collector that is conductivity modulated
decreases, increasing its resistance and hence vcg. This accounts for the slow rise of vy before
ic begins to decrease. The period over which this occurs is known as the storage delay time,
ts. As ic begins to fall, the diode turns on and I; begins to commutate from the transistor to
the diode. The current /¢ decreases as the base charge declines via the negative base current
and recombination. The transistor enters cut-off when ic = 0. During turn-off —ip, is pulling
charge out of the base region, and until the excess concentration at the emitter-base junction
reaches zero, the junction remains forward biased but conducting negative current. Once ic = 0,
vgg can fall to the negative drive voltage — V.

During both the turn-on and turn-off transients, the transistor is simultaneously supporting
nonzero ic and vcg and dissipating energy. This switching loss and the duration of the turn-on
and turn-off processes determine the maximum switching frequency at which a BJT can operate
efficiently.
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Figure 17.17 Typical switching waveforms exhibited by a power BJT.

Power MOSFET

Figure 17.18 shows the structure of an n-channel power MOSFET. Note that the drain
contact is on the bottom of the die, rather than on the top as in a lateral signal-processing
MOSFET, resulting in a device in which the current flows vertically. This structure provides for
a thick lightly doped n-region, called the extended drain, to block the off-state voltage without
compromising surface area. It also gives maximum area to both drain and source contacts
in order to produce a low-resistance connection to the package terminals. The polysilicon (or
metal) electrode gate is insulated from the source metal that covers it by a layer of SiO,. The
gate electrode is connected by metal fingers that make contact through windows etched in
the SiO,. The fabrication of power MOSFETs uses a double-diffusion process to create the
n* and p regions, and the device is often referred to as a vertical double-diffused MOSFET
(VDMOSFET or DMOS). The structure of Fig. 17.18 has a lateral channel. While lateral-
channel designs currently dominate SiC MOSFETs, more modern Si power MOSFETs have
a vertical channel which we discuss shortly. But we discuss the lateral-channel structure here
because it is somewhat easier to visualize the various aspects of its operation.

Between the n source and the n~ drain regions are wells of p-type material. These wells are
known as the body region of the device. The channel of the MOSFET is formed on the surface
of these p wells just beneath the gate oxide. Note that the p wells are shorted to the source by
the source electrode. We described the reason for this source-body short in Section 16.4.2.
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Figure 17.19 An illustration of how the SCL grows in a power MOSFET with increasing vpg, pinching off
the n~ region between the p wells.

The lightly doped n-type drain region is unique to power MOSFETS, and is provided to allow
growth of a long SCL, permitting the device to block a high voltage when itis off. In this respect,
the region functions like the v region in a power BJT. This lightly doped drain region is frequently
referred to as the extended drain or drift region. As the SCL grows, it pinches off (depletes) the
region between the p wells, as shown in Fig. 17.19 (the gate electrode acts as a field plate to
promote this pinch-off). This feature of a power MOSFET’s structure is important because
it keeps the gate oxide from being subjected to the full drain voltage. In fact, the voltage just
underneath the gate oxide typically reaches only 5-10 V with respect to the gate electrode, even
though the drain voltage may be 200400 V. As a result, we can make the gate oxide relatively
thin, which keeps both the gate threshold voltage V7 and the gate energy loss low.

A further distinction between the signal-level and power MOSFETs is the relationship
between ip and vgs. That for the signal-level MOSFET was given in (16.64), which shows the
quadratic relationship resulting in the non-uniform spacing of the curves in Fig. 16.14. At the
high gate voltages characteristic of power MOSFETSs, the carrier velocity saturates at vsat, which
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is on the order of 107 cm/s for Si, and is no longer given by u.E. Effectively, i decreases as E
(and Vpg) increases. An approximation to the ip-vgs relation better than (16.64) for the power
MOSFET is

ip = kvsat(vgs — V1) (14.28)

This is not particularly important for applying power MOSFETS, since they are seldom operated
in their linear region. But it is important if one calculates transconductance as discussed with
respect to the Miller effect in Chapter 16.

DMOS On-State Resistance Figure 17.20(a) shows how the drain current flows through the
DMOS of Fig. 17.18 when it is on. As the current flows through the extended drain, it focuses in
the area between the p wells, called the neck region. From there it must further focus in the thin
entrance to the p-well channels on either side of the neck region. This latter focusing would result
in a large resistance if the current had to flow through a progressively smaller cross-sectional area
of the n™ region to get to the channel entrance. Fortunately, the region just below the gate oxide
(and between the p wells) is accumulated, meaning that it has a very high concentration of mobile
electrons, which makes it much more conductive than the bulk n™ region. The drain current
between the p wells therefore tends to first flow directly upward to this layer (taking advantage
of the full width between the p wells) and then flows horizontally (with little resistance) to the
channel entrances.

Figure 17.20(b) shows how the MOSFET’s total drain-source resistance, Rpg, can be broken
down into four components: Ryd, Rpeck> Raccum, and Rey. For a DMOS designed for 400V or
above, R,q is typically much larger than Ryeck, Raccum, and Rep, and thus dominates Rpg. For
a DMOS designed for 100V and below, however, Rey + Rueck is typically one third to one half
of Rps. Power MOSFETs are characterized by a normalized parameter called specific on-state
resistance. It is defined as

Rpsisp) = (Rps)(4),

By Raccom

Rpeck

(@ (b)

Figure 17.20 (a) Current flow in a power MOSFET. (b) A model of Rpg, showing its components.
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where A is the active area of the device. This parameter is voltage specific, and illustrates what
minimum Rpyg is possible for a given device area and therefore current rating. For an ideal device
when Rpg(on) is dominated by the extended drain, this relationship is

Rps(ony ¢ Vi3/Area. (7.29)

For example, a device designed to withstand 400 V would have 4+/2 times the resistance of a
device designed to withstand only 200V, if they both have the same die area. Actual devices obey
this relationship only at higher voltage levels (above approximately 100 V). For devices rated
below 100V, Rpgon) is higher than (17.29) predicts because the channel and neck resistances
become significant and because less of the total die area is actually used.

Note that current in the MOSFET is carried by majority carriers, which is why it is called a
majority carrier device. Unlike the pin diode or BJT, the extended drain cannot be conductivity
modulated to reduce its on-state resistance.

Trench or UMOS

Figure 17.21 illustrates the structure of a vertical-trench power MOSFET, sometimes referred
to as a UMOS. Its operation is similar to that of the DMOS of Fig. 17.18, except that the
channel is now vertical at the oxide walls of the trench. The benefits of this structure are that
there is no neck region when the device is on, and the cells can be fabricated at a higher density
than those of the DMOS design, that is, there are a greater number of channels per unit chip
area. In addition there exists an accumulation of carriers at the gate oxide where the n-drift
region is penetrated by the gate trench, reducing the resistance in this region. The result is a
lower Rpson relative to the planar DMOS device, particularly for lower-voltage devices where
the channel and accumulation region resistances are significant relative to that of the n-drift
region.

N i e

Figure 17.21 The trench or UMOS structure, also illustrating the drain current paths.




17.5 Power MOSFET 521

UMOS On-State Resistance Figure 17.21 shows the current paths in a trench-gate (UMOS)
device. The principle contributions to Rps(on are the drift region and channel. In low-voltage
devices the substrate (the n* drain) and the source metal contact also contribute. In high-voltage
devices (above about 100 V), the resistance of the drift region dominates because of its required
depth to support the high voltage. *

17.5.2 Temperature Dependence of Rps(on)

Because the high-voltage vertical Si MOSFET’s resistance is dominated by the extended drain,
the temperature dependence of Rpsg(on) is the result of the temperature dependence of .
For the range of interest (0-200°C), mobility decreases with temperature as u, o %2,
which means that Rpg(on) increases with temperature. A 100°C rise produces an increase of
approximately 90%.

17.5.3 DMOS Dynamic Behavior

Because the MOSFET is a majority carrier device, it does not have the buildup of excess carrier
concentrations that controls the dynamic behavior of the BJT. The transient performance of
the MOSFET is governed only by the oxide and SCL capacitances, and by the impedances that
limit our ability to charge and discharge these capacitances. (Some of these impedances are
internal to the device but most are external.) We discussed these capacitances briefly in Chapter
16, and described how they were characterized on datasheets. Figure 17.22 shows their physical
origins in a DMOS. Comparable capacitances exist between the different elements of the UMOS
structure.

Between the gate and the source are two parallel capacitances that comprise Cgs. One, Cgs1, is
the result of source metalization actually covering the polysilicon gate, but being insulated from

Gate metal 7

22

T n” ~~Cbps ~~Cbn n”

R

N

Drain metal

Figure 17.22 Origins of capacitances in a vertical MOSFET.
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it by an oxide layer. Part of this capacitance is also the result of the overlap of the polysilicon
and the n' source diffusion. Thus Cgs) is an oxide capacitance, which is not a function of the
voltage across it. The second capacitance making up Cgg is the gate-to-p-well capacitance of the
channel Cgg,. Although there is a resistance, R,, between the p-well side of this capacitor and
the source contact, it is small enough to ignore for typical rates of change of gate voﬁage. As
Cgs2 is the series combination of the oxide capacitance and the p-well’s depletion capacitance,
it is a strong function of the gate voltage when vgs < V7 (the capacitance gets smaller as the
voltage increases). Once the gate voltage is above threshold, however, Cgg, is dominated by the
oxide capacitance, which is constant.

Between the drain and the source is the capacitance of the drift region’s space-charge layer,
Cps. Its value varies inversely with the square root of the drain—source voltage.

Finally, between the gate and drain is Cgp, a series combination of two capacitors. One, Cgy,
is the oxide capacitance, which is independent of voltage. The other, Cp,, is the SCL capacitance
between the drain and the neck—oxide interface. It gets smaller as the drain voltage rises. Note
that these two capacitances are “connected” at the plane in which the accumulation layer grows.

At low values of vpg, the SCL does not extend into the neck region, so Cpg = Cgy. At higher
voltages, the neck region becomes depleted, so Cp, appears in series with Cg, and reduces the
net capacitance Cpg. As the drain voltage rises even higher, however, pinching-off of the neck
region becomes complete, and very little incremental increase in drain voltage appears at the
neck—oxide interface. Therefore Cgp becomes very small under this condition.

Note that as the channel and the accumulation layer form, the node connecting Cp, and
Cgn is shorted to the source by the low resistances of these regions. Under this condition, Cgp
becomes zero, Cg, appears in parallel with the other gate-source capacitances, and Cp,, appears
in parallel with Cpg.

Thevalues of Cgp, Cgs, or Cpgs are not provided in datasheets. Instead, they can be calculated
from the measured incremental capacitances Cigs, Cpss, and Cyg, which are functions of Vpgand
provided by the manufacturer in graphical form as shown in Fig. 17.23 for a typical DMOS. The
relationship between these two sets of capacitances was illustrated in Fig, 16.15.

pF

10°
Cz’sa

1 } f } Vps

Figure 17.23 Dependence of DMOS datasheet capacitances Cig, Cogs, and Crgs 0n ¥pg.
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Superjunction MOSFET

The blocking voltage, Vgr, of aconventional MOSFET is governed by the avalanche breakdown
of the drift region, the extended drain for high-voltage devices. Increasing the blocking voltage
is achieved by increasing the length of the extended drain and/or reducing its majority cArrier
concentration, simultaneously increasing the specific on-state resistance, which, in the simplest
case of uniform current flow, is given by (17.29). The relationship between the minimum Rgyif
and Vg is complex and constrained by what is known as the silicon limit, which for an abrupt
diode is

Raify(miny X V33 (17.30)

Figure 17.24 shows the structure of a superjunction or SIFET. The p body is augmented with
narrow columns of p~ regions extending vertically into the n~ drain region. The n™ drain is
now also comprised of narrow columns. The result is two parallel pin diodes between the source
and drain: nt—w—p and nt—v—p. There exists a p~—n~ junction between the columns which is
reverse biased when the device is blocking (off). Since these columns are so lightly doped, they
completely deplete at a low voltage. The resulting electric fields within the columns require a
two-dimensional analysis, but insight into their behavior can be obtained by considering the
stylized columns of Fig. 17.25.7

The equipotential lines shown in Fig. 17.25(a) are as they would be if the p—i-—n columns
were separated. However, since they share a boundary, the equipotentials as shown cannot
remain since the potential must be continuous across a boundary unless there is an impulse
of charge at the interface, which in this case does not exist. Consequently the equipotential

G gate metal
source metal

gate

Figure 17.24 Basic structure of a superjunction MOSFET (SJFET).

¥ This representation is a derivative of that presented in R. Siemieniec, C. Braz, and O. Blank, “Design considerations for
charge-compensated fast-switching power MOSFET in the medium-voltage range,” IET Power Electronics, vol. 11,
no. 4, pp. 638-645, 2018.
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Figure 17.25 (a) A stylized representation of the n™ and p~ columns of the SJFET showing the E-field in
each if they were separated. (b) The equipotential lines for an applied arbitrary voltage of Vpp.

lines must be distorted to achieve continuity. If there is a charge balance between the n~ and
p~ columns at the junction between them, the result is equally spaced equipotentials (a result
we will not prove here). If the columns are very narrow, the approximately equal spacing will
penetrate the column widths, as shown in Fig. 17.25(b). Equal spacing of the equipotentials is
the result of a constant E-field. Thus the combined columns behave as a single pin diode, with
the near-intrinsic region forming the extended drain of the MOSFET and providing a higher
breakdown voltage than a conventional device with the same extended drain thickness.

An additional benefit of the SJ structure is that because the columns are so narrow, they
deplete at a low voltage. Therefore their doping concentrations can be increased, reducing the
resistance of the extended drain and Rpg(on). Compared with a conventional MOSFET with the
same voltage rating, the thickness of the extended drain of the SJFET can be thinner, resulting
in a further reduction of Rpgon). For the same Rpgon), the die size can be reduced by a factor
of 2-5.

Because of the very different SCL shapes and behaviors as a function of Vg, the depen-
dencies of Cig, Cogy, and Cyy on Vg differ markedly from those shown in Fig. 17.23 for the
DMOS structure. Representative behavior of these capacitances for the SJFET are shown in
Fig. 17.26.

IGBT

The circuit symbol, equivalent circuit, and physical structure of a lateral channel IGBT are
shown in Fig. 17.27. Although the physical architecture of the device incorporates a pnp BJT,
its symbol showing an npn BJT is designed to represent its application behavior. The structure is
labeled consistent with the circuit symbol, not the terminals of the pnp BJT. An IGBT structure
using a trench channel is shown in Fig. 17.28. It is the design most commonly used because of its
smaller contribution to the on-state drop of the device relative to a lateral design, as discussed
in Section 17.5.1. Note that the n—p-n-p IGBT structure is similar to a thyristor. However, the
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Figure 17.26 Capacitances vs. V' pg for a 600V, 60 A SIMOSFET (at T¢ = 100°C).
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Figure 17.27 The lateral channel IGBT. (a) Schematic symbol. (b) Equivalent circuit. (c) Physical structure

showing MOSFET and BJT regions.

n—p-n transistor is made inoperative by the short between its emitter and base created by the
emitter metalization. Also shown in Fig. 17.28 is how a freewheeling diode can be integrated

with the device by providing access to the collector contact by the n™ field-stop layer.
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Figure 17.28 The IGBT structure designed with a trench channel and illustrating how a freewheeling diode
can be integrated.

17.7.1 On State

With reference to Fig. 17.27(c), the n-channel MOSFET driving the BJT is comprised of then*
region as its source, the p region as its body (which is also the collector of the pnp BJT), and the
n~ region as its drain. The n™ layer also functions as the base of the BJT, and the p™ layer is its
emitter. With Vg > 0, the IGBT is turned on by applying a positive voltage to the gate (Vgr)
which supplies electrons through the resulting channel to the n™~ base region. Simultaneously,
the forward-biased pt—n~ junction floods the n™ base region, resulting in a large fraction of the
region being conductivity modulated, reducing its contribution to the on-state drop Vcgon)-
Contrary to what one might infer from the IGBT symbol, the bipolar transistor conducts a
relatively small fraction of the device current. This is due to its very small gain as a consequence
of its very wide base region and poor emitter efficiency. The majority of the collector current is
comprised of electrons from the FET channel.

While one might expect the forward drop of the IGBT to be that of the pnp transistor in
saturation, the MOSFET channel is in parallel with the p-n™ junction which is the collector
junction of the pnp transistor. Therefore the p—n™ junction remains slightly reverse biased,
preventing full saturation of the transistor. The forward drop is then

Vi = VJ1 + Voase + Renlechs

where V7, is the emitter—base voltage of the transistor, Ve is the drop across the n™ base region,
and I, is frequently approximated as I¢. The total forward drop is typically on the order of 1.5V
for a 600 V/100 A device to 3.5 V for one rated at 6500 V/1000 A. The forward drop is a function
of temperature and increases by about 35% between 25°C and 175°C,
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17.7.2 Off State

In the off state the channel is not inverted (that is, not conducting) and the p-n~ junction J; is
reverse biased and supports Vps. The nt layer at the collector junction is a buffer, or field-stop
layer that prevents the SCL from punching through to the collector. As in the pin diodegthis
permits the lightly doped n™ region to be completely depleted and block a high Vpg. It is in
this regard that the IGBT differs from a BJT in its voltage capability. If such a highly doped
buffer layer were present at the emitter side of the base region (to which the BJT SCL spreads),
the transistor’s emitter efficiency would be very low, resulting in such a low gain that the device
would be unusable.

In this state there is a collector—emitter leakage current across J, whose value at rated Vg is
the parameter Icgs known as the collector cut-off current, which ranges from 10s of pA to 10s
of mA for devices with Vg ratings of 100s of volts to 1000s of volts, respectively, at 25°C, and
increases with temperature.

17.7.3 Turn-on and Turn-off Dynamics

Like the MOSFET, the dynamic behavior of the IGBT is determined in large measure by its
internal capacitances. But unlike the MOSFET, the IGBT is controlled by minority carrier as
well as majority carrier dynamics. Minority carrier lifetime in the n™ base region limits the
turn-off time of the device. The datasheet specifications are shown in Fig. 17.29, along with
their relationships to the capacitances seen from the device terminals. The measurements and
relationships are similar to those for the DMOS of Fig. 17.23.

The IGBT turn-on and turn-off transients are shown in Fig. 17.30 assuming a clamped
inductive load. That is, the inductor current is constant at Iy and circulating through the
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Figure 17.29 Typical variation of datasheet measurements of the input (Cjey), output (Cees), and reverse
transfer (Cyes) capacitances with Vg for a 600V, 40 A trench gate IGBT.
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Figure 17.30 (a) The clamped inductive load circuit used to illustrate the IGBT switching behavior. (b) The
IGBT turn-on and turn-off transients.

freewheeling diode and veg = Vec. During turn-on between ¢, and ¢, v rises exponentially to
Vr at 11 as the gate capacitance is charged. A further increase in v causes the collector current
to rise as the diode current falls but vcp remains at ¥Vee. When ic = Iy the diode turns off
and vcg falls as Ceog discharges, During the interval 5—13, vgg remains approximately constant
resulting from the Miller effect as discussed in Chapter 23. At ¢3 the Miller effect has diminished
and vy continues its journey to ¥, the maximum gate voltage, while vcg reaches Vg on)-

Because there is no external access to the n™ base region, the turn-off process cannot be
accelerated by applying negative base current to extract the stored base charge. When vg = 0
at #4, vgp begins to decrease and again exhibits a Miller-effect plateau between t5 and g as vcg
begins to rapidly rise. The diode remains off, and ic = I until vcg = Ve and the diode
turns on. At this time there is still excess charge remaining in the base, which slowly recombines.
Because the lifetime in the base region is long, the result is a persisting tail in the collector
current as shown in the waveform of ic. Since this tail occurs at high vpg, it can account for
an appreciable fraction of the turn-off loss. The length of this tail is a function of the lifetime in
the n™ region, and for IGBTs designed for high frequency (50-100 kHz) the tail time is reduced
by reducing lifetime at the expense of higher on-state losses.

Silicon Carbide and Gallium Nitride Devices

As mentioned in Chapter 16, the electronic and thermal properties of the wide-bandgap
materials silicon carbide (SiC) and gallium nitride (GaN) provide improved power-device
performance relative to Si. The primary reasons for this are the high values of their critical field
and thermal conductivity. Although power devices are commercially available in both materials,
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SiC dominates the high-voltage, high-current devices, while GaN is generally limited to voltages
less than 650 V and moderate currents. The large bandgap for both devices is reflected in their
large forward-junction drops, which are a disadvantage in bipolar but not field-effect devices.
The wide bandgap would also permit these devices to operate at higher temperatures than Si,
but packaging and bonding technologies at present limit maximum device temperature t8 less
than 200 °C.

SiC Devices

Except for their increased threshold voltage (¥7), SiC MOSFETs are practically drop-in
replacements for their Si counterparts. But the efficiency benefit of SiC is obtained when the
on-state drop is dominated by the device drift region and the SiC drop is significantly lower
than that for a Si device, which occurs around 900 V. The drift region, as illustrated in Figs.
17.20 and 17.21, must be thick enough to support the rated device voltage. Since SiC has a
critical electric field Ep that is 10 times that of Si, the thickness of the drift region can be
reduced significantly. Additionally, to support the same voltage in this thinner drift region, the
E-field must be increased by increasing the doping density by the inverse of the square of the
dimensional decrease. Combining these two changes, and accounting for the decreased electron
mobility in SiC relative to Si, results in a (theoretical) reduction of the drift-region resistance by
a factor of about 500 for devices of similar area. A further advantage of SiC MOSFETs is that
the temperature dependence of Rps(on) is substantially less than that for Si devices, as illustrated
in the next section on the datasheet.

On a per-unit basis, the device capacitances of SiC and Si MOSFETs are comparable because
the dielectric constants of the two materials are approximately equal. However, for devices of
equal voltage rating, and taking advantage of a thinner SiC die to achieve reduced Rps(on), for
equal die area the SiC device will have a substantially higher Cyg due to the reduced width of
its drain-source space-charge layer. Reducing the die area will reduce C,; but increase Rps(on)-
There is, therefore, a trade-off between Rpsony and Coss depending upon the circuit design and
whether switching or conduction dominates the device loss. But, for a given voltage rating, SiC
devices have smaller Rpson)Coss products than Si, and therefore their use will result in lower
losses.

The combination of a thinner SiC device and its high thermal conductivity allows the device to
operate in ambient temperatures considerably higher than for Si. But other system components,
particularly capacitors, can still limit the maximum ambient temperature, while bonding and
packaging considerations limit the die temperature.

Unlike Si SBDs, which are limited to relatively low voltages, SiC SBDs are available with
voltage ratings on the order of 10kV. The wide bandgap reduces the rate of thermally generated
carriers, reducing considerably the leakage current which limits the voltage rating of Si SBDs.

17.8.2 GaN Devices

Unlike SiC devices, those fabricated in GaN exhibit important structural and behavioral
differences from their Si counterparts. Early GaN MOSFETs were depletion-mode devices,
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meaning they were normally “on.” But manufacturers have developed the technology to produce
enhancement-mode MOSFETs which are now in common use. Most GaN devices are not
fabricated on a native substrate, that is, the starting wafer is not pure GaN. A thin layer of GaN
is epitaxially deposited on a wafer of Al,O3 (sapphire), SiC, or Si. All three exhibit a lattice
mismatch to GaN, but SiC comes closest at approximately 3.5%. But because of the signf"ﬁcant
cost differential, Siis commonly used for power GaN devices. Due to the relatively low maturity
and high cost of native GaN substrates, the majority of current commercial GaN devices are
lateral instead of vertical. While this reduces their achievable voltage capability, it provides an
opportunity for their monolithic integration. Their favorable high-frequency behavior is due
in part to a threshold voltage of less than 2V and a very small RgCjss product, allowing fast
transitions of the gate voltage. Device processing incorporates a layer of AlGaN on top of the
GaN, resulting in what is known as a heterojunction between the two. For reasons not discussed
here, this structure increases the mobility of electrons in the FET channel. The device is known
as a high-electron-mobility transistor (HEMT).

A significant departure from the behavior of Si and SiC devices is a phenomenon known as
dynamic on-state resistance exhibited by GaN MOSFETSs. It manifests as an Rpson) at turn-on
after blocking a high voltage that is multiples of the datasheet static Rpson). The increase is
proportional to the magnitude of the blocking voltage. The cause is thought to be trapping of
carriers in the buffer layer between the channel and oxide. The result is an on-state loss that is
higher than anticipated based on datasheet parameters. One useful rule of thumb is to double
the datasheet value of Rps(on) for design purposes.

Since GaN devices are most often used in very high-frequency converters, loss in the output
capacitance, C,g, can be significant. This loss is due to hysteresis in the capacitor dielectric’s
D-H trajectory, which is a function of frequency.

Thyristor

As noted in Chapter 15, thyristor is the generic term for variants of a four-layer semiconductor
device, the most common of which is the SCR. The structure is shown in Fig. 17.31(a). For
the lower current ratings (10-100 A) the SCR is built on a small die of silicon, but for higher
current ratings (100-6000 A), it is fabricated on an entire wafer. The heavily doped p region
on the bottom of the device is the anode, and the heavily doped n region on the top of the
device is the cathode. The p region under the cathode is the gate, and it is connected to the
gate metalization on the top surface, as shown in Fig. 17.31(a). The interdigitation of the
gate and cathode metalization is typically non-existent or sparse in an SCR. Figure 17.31(b)
shows the top view of a device whose gate is restricted to the center of the wafer. Known as a
center-gate geomelry, it is used extensively for low-frequency SCRs. The gate pattern shown in
Fig. 17.31(c) is called an involute, which has the important property of constant spacing between
two gate fingers across the entire device.* A typical spacing is 3-5 mm for a wafer-sized device.
Interdigitation using this or other patterns is utilized in high-frequency thyristors.

+ Herb Storm of GE CR&D was the first to recognize the benefit of the involute structure and apply it as a thyristor gate
geometry.
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Figure 17.31 Structure of an SCR. (a) Cutaway view showing the four layers and terminal connections.
(b) Top view of center-gate geometry. (c) Top view of involute gate geometry.

Overview of SCR Operation

The purpose of this section is to briefly describe the off-state characteristics, the regenerative
turn-on process, and the on-state characteristics of the SCR. The sections that follow give greater
detail on each aspect of the device’s operation. Throughout these discussions, we use the one-
dimensional model of the SCR shown in Fig. 17.32(a). (Note that the anode is now drawn on
the top.) For future reference we have labeled each of the four layers (p1, ny, p2, and n3) and
each of the three junctions (J1, J2, and J3).

Off State When off, the SCR can block either a reverse or a forward anode—cathode voltage,
vqr. When vy is negative, junctions J; and J; are reverse biased (assuming that the gate
terminal is left open), and J; is forward biased. The doping levels on each side of junction J3
are very high, so this junction breaks down at a relatively low voltage. However, the n; region is
both lightly doped and long. Therefore J; is able to block a large reverse anode-cathode voltage.
As the nj region is much more lightly doped than the p; region, the SCL at J; grows mostly
into this lightly doped n; region rather than into the more heavily doped p; region, as shown in
Fig. 17.32(b).

When vk is positive, junctions J; and J5 are forward biased and junction J;, the only reverse-
biased junction, withstands the voltage. As the n; region is also more lightly doped than the p;
region, the SCL again grows mostly into the n; region, as shown in Fig. 17.32(c).

The n; region is therefore used to block both polarities of voltage when the SCR is off.
Its doping level and length must be chosen to give the desired breakdown voltage. Note that
breakdown can occur in two ways: punch-through, where the SCL extends far enough to reach
the opposite edge of the n; region, and avalanche, where the peak electric field becomes high
enough to cause impact ionization. Most SCRs are designed with the n; region long enough to
cause avalanche to be the breakdown mechanism.
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Figure 17.32 A one-dimensional model of the SCR. (a) The four layers and their junctions, (b) Space-charge
layers when the SCR is blocking a reverse voltage. (c) Space-charge layers when the SCR is
blocking a forward voltage.

Regenerative Turn-On Process To understand how the SCR can go from a forward-biased
off state to its conducting on state, it is useful to view the device as a cross connection of
two transistors. Figure 17.33(a) shows how the four-layer device can be considered as the
interconnection of two three-layer devices — one a pnp and the other an npn transistor. The
base of each transistor is connected to the collector of the other. Figure 17.33(b) illustrates this
two-transistor SCR model.

Note that the base of each transistor is driven with a current that is Sr times its collector
current. As long as the product 818, > 1, we can show that — once some current flows — the two
transistors will drive each other harder and harder until they saturate. A short pulse of current
into the gate terminal is one way to start this regenerative process. To desensitize the turn-on
process to noise at the gate or leakage current at J, (which serves as base current for 0y), 0,
is designed to have a very low Br at low emitter currents. The natural drop-off of Ar at low
currents, illustrated in Fig. 17.16, is enhanced in Q, by fabrication techniques, one of which is
to use the cathode metalization to provide a partial short between the gate and the cathode, as
illustrated in Fig. 17.34. In simplest terms this can be modeled as a resistor between the base
and emitter of Q», which shunts some of the gate current around J3.

Note that the Q; collector leakage current functions as gate current and can turn the device
on if it is too high. This is the reason that the SCR is a silicon device, and cannot be fabricated
in germanium as the leakage current of a Ge transistor is orders of magnitude greater than
that of Si.

The turn-on process is initiated by the injection of carriers into the n; region. A number of
mechanisms can do this, some of which are more useful than others. Since collector leakage at
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Figure 17.33 A two-transistor model of the SCR. (a) The four-layer device represented as the interconnection
of two three-layer devices. (b) The two-transistor model of the interconnection of (a).
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Figure 17.34 (a) A gate—cathode short produced on the die by making contact between the gate region and
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cathode short Rgy.




534

17 Power Semiconductor Devices

Q1 is strongly temperature dependent, SCRs can be triggered if the device is operated above
its temperature limit, If duv,g/dt is high enough, the current at the Q) collector junction (J2)
capacitance will be sufficient to initiate turn-on, so all transistors have a maximum dv 4k /dt limit,
typically between 200 and 2000 V/ps. (The time ¢, as defined in Fig. 15.9 is usually specified under
the assumption that the subsequent rise of the anode voltage is at this maximum rate, which is
a worst-case condition.) As v 4 increases and J, approaches breakdown, its increasing current
will also cause the device to turn on. And lastly, some devices are designed to allow optical
access to the p; region and can be triggered by optical injection of carriers. This mechanism is
very useful when a string of thyristors is used in very high-voltage applications, such as HVDC.

As an SCR turns on, it first begins to carry current in the regions of the die near the gate
lead. Only after some time (the length of which depends on how finely interdigitated the gate
and cathode metal contacts are) has the turned-on region spread sufficiently that the current is
uniformly distributed over the entire device. During this current-spreading process, in which only
a fraction of the SCR is conducting, it is important to keep the total anode current low enough
to avoid a localized region of excessively high and destructive current density. For this reason, a
maximum rate-of-rise of anode current is specified for all SCRs. Typically, di, /dt must be kept
below 1000 A/ps.

17.9.2 On State

As the two transistors drive each other into saturation, the excess carrier concentrations in their
base regions reach high-level injection. At this point, the actual doping concentrations in the
base regions are no longer relevant, and the SCR now behaves as a three-layer pin diode, with
the two middle layers of the thyristor, n; and pj, corresponding to the intrinsic region of the
diode. Figure 17.35 shows typical excess carrier concentrations in the SCR under this condition.
Everything you learned in Section 17.2 about the pin diode’s forward voltage drop as a function
of current and design parameters also applies to the SCR in its on state.

Two parameters relevant to the on state are the latching and holding currents. The latching
current is the minimum anode current necessary for the SCR to remain on when the gate drive
is removed. At this time the SCR is not yet conducting over its entire area. Once the device is
fully on, the holding current is the minimum anode current at which it will remain on without a
gate current. The holding current is lower than the latching current because during turn-on the

Figure 17.35 Excess carrier concentrations in an SCR in its on state. The two middle regions are in high-level
injection, causing behavior like a pin diode.
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Figure 17.36 Darlington-type connection of two SCRs to produce an amplifying gate.

gate current aids the injection of electrons from the J3 emitter as injection spreads from the J 3
region near the gate contact. When the device is fully on, the J3 junction is uniformly forward
biased (the device is conducting across its entire area) and providing adequate injection to the
p» region to maintain the regenerative process without help from the gate.

We can connect two SCRs in a Darlington-like way, as shown in Fig. 17.36, in order to reduce
the gate current requirement. In large devices, Q is integrated on the same die as the main SCR,
0», and is known as an amplifying gate. A special version of this device uses a photosensitive
SCR for Q. A photo-diode (LED) is then mounted in the same package and optically coupled
to Q1. The combination provides a means of electrically isolating the gate drive circuit from the
SCR. However, these opio-SCRs often have a very low dv 4 /dt rating.

17.9.3 Turn-Off Process

Once the SCR is on, it behaves as a pin diode because the two center regions are well into high-
level injection for typical anode currents. When the power circuit tries to reverse the anode
current, the SCR displays a reverse recovery characteristic similar to that of the pin diode.
Current will flow in the negative direction until the excess charge stored in the center regions
of the SCR is either removed or lost to recombination.

The same trade-off made between the speed of recovery and the on-state voltage of a pin diode
can be made for an SCR. Rectifier-grade SCRs trade speed for a reduced forward drop. They
generally have a simple center-gate electrode geometry, and are intended for line commutation
applications of up to about 400 Hz. Inverter-grade SCRs are intended for higher-frequency
applications. These devices are generally constructed with a highly interdigitated gate geometry.
The lifetime for excess carriers in the base regions is made relatively short to give a fast reverse
recovery at the expense of a higher forward voltage drop. Inverter-grade SCRs generally have
a forward drop that is about 50% higher than a rectifier-grade device with comparable voltage
and current ratings. As noted earlier, SCRs have largely been replaced by MOSFETs or IGBTs
in high-frequency applications.

Turn-Off Time and Rate Effects When the SCR is off and blocking a forward voltage, it
can be pushed into its regenerative turn-on mode if the current flowing through the device
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Figure 17.37 (a) Two-transistor model of an SCR showing the capacitance of the SCL at junction J;.
(b) Reapplied forward voltage at the end of the minimum turn-off time #,.

exceeds a critical value. One way to generate this current (besides driving the gate terminal) is
to apply a positive change in voltage across the SCL of junction J,. As Fig. 17.37(a) shows, the
junction can be modeled as having a parallel capacitance (because of the SCL), and the current
flowing through this capacitance when dv g /dt is positive acts just like gate current. Therefore,
if dvgg/dt is large enough, the regenerative turn-on mechanism in the SCR can be triggered.
For this reason, there is a maximum specified off-state dv4x/dt above which the device is not
guaranteed to remain off. Rates of 1000-2000 V/us are typical for inverter-grade devices.

Note that the cathode short, which reduces the gain of (, also helps to make the SCR less
sensitive to dv 4k /dt. In addition, applying a negative voltage across the gate—cathode terminals
when the SCR is off also helps reduce the chance of false triggering.

Because the J, SCL capacitance is nonlinear, the maximum allowable dv4k /dt is specified at
the largest value of this capacitance. This condition occurs when v4x = 0. Moreover, the SCR is
most sensitive to triggering immediately after it has been turned off, as excess charge still exists
in the middle base regions. For these reasons, the maximum allowable dv 4k /dt is specified at a
fixed time after the anode current reverses and the SCR begins its reverse recovery phase. This
time is called the circuit commutated turn-off time and is designated by t,. A forward voltage can
safely be reapplied (meaning that retriggering will not take place) at the specified rate so long as
it is delayed for a time #, past the time that the anode current reverses. The relationships among
i4, vk, and t; during the turn-off process are shown in Fig. 17.37(b). Typical values for ¢, are
100-200 ps for rectifier-grade SCRs and 10-20 ps for inverter-grade SCRs.

The circuit commutated turn-off time ¢, depends on whether the circuit in which the SCR
is connected permits the flow of significant reverse recovery current. In a situation in which an
anti-parallel diode is connected across the SCR (a common configuration), the switch current
will reverse through the diode, but little reverse current will be carried by the SCR. The result
is that elimination of the charge stored in the base regions of the SCR is not aided by reverse
current. Instead, the charge will decay through recombination at a rate determined by the excess
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carrier lifetimes in the base regions. In this case, ¢, will be longer than when an anti-parallel diode
is absent. Datasheets generally give ¢, under both conditions for inverter-grade SCRs, and their
values differ by 50%-100%.

17.9.4 Gate Turn-Off Thyristor

So far we have assumed that a thyristor, once it is on, will not turn off until the power circuit
drives its anode current to zero. But the two-transistor thyristor model of Fig, 17.33(b) implies
that if we draw enough current out of the gate terminal of the device, we can reduce ig to a
value insufficient to maintain the regenerative process and the thyristor will turn off. We cannot
do this in a conventional SCR, because the gate terminal affects only the region of the device
in the immediate vicinity of the gate contact. The lateral voltage drop that would accompany
the flow of current from regions remote from the gate contact effectively prevents the behavior
of these regions being influenced by anything happening at the gate terminal. Therefore, while
a negative gate current might stop the regenerative process in the immediate vicinity of the gate,
the rest of the SCR would remain on. However, by using special design techniques, including
dense gate interdigitation and reducing the gain of Q;, we can design a thyristor to be turned
off by a large negative gate current. Such a device is known as a gate turn-off (GTO) thyristor.
One consequence of the structure necessary to create a GTO is that it loses its reverse blocking
capability, now sustaining a reverse voltage on the order of only 50V.

17.9.5 TRIAC

We described the operating characteristics of the TRIAC in Chapter 3. The device is a five-layer
structure, as shown in Fig. 17.38. The MT; and MT, contacts short the n; region to the p;
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Figure 17.38 The TRIAC structure.
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region and the n3 region to the pf region. The result is the equivalent of two anti-parallel SCR
structures: pf-n7~py-n and n3-py-n{-py. The ng region is the TRIAC gate, and it is shorted
to the p, region by the gate contact.

The possible modes of operation of the TRIAC are defined in Section 15.3.3 as I4-, I—, IT1+,
and IIT—. In mode I+, the device is operating as a conventional SCR, with the anode being'the
p1 region. The gate is the py region. It is connected directly to the gate terminal, because the
gate metal extends beyond the edge of the ng diffusion, shorting the terminal to the p, region.
Therefore, triggering in this mode is effected in the normal manner, and this is the mode with
the most sensitive triggering characteristic.

ITI - is the next most sensitive mode. In this mode the n3 region is the cathode and the p; region
the anode. Triggering is accomplished by pulling the gate negative with respect to MT). This
forward biases junction J5, which functions as the base—emitter junction of the npn transistor
composed of ny, ps, and ng. The injected current (electrons) is collected at J3, which is reverse
biased in quadrant ITL. The resulting electron flow into the n; region is effectively base current for
the pyn;p; transistor, and it begins to turn on, initiating regeneration and turning the TRIAC on.

17.10 Datasheet

17.10.1

All semiconductor devices are accompanied by a datasheet containing parameters that char-
acterize the device. The meaning of some of the parameters is self-evident — Imax, Vmax, 77
for example. Others are unique to the device type — V7 for the MOSFET or B for the BJT.
Other parameters are more universal, but often complicated to interpret and apply. One such
example is the safe operating area (SOA). Furthermore, many parameters are given at a specified
temperature which is usually different from that in the application environment, requiring
derating. And lastly, many parameters and operating characteristics are given in parametric
graphs. In this section we discuss some of these relevant but somewhat confusing parameters,
focusing on the MOSFET.,

Switching Characteristics

Switching times and energy loss are based on the clamped inductive load circuit of Fig, 17.39,
where the freewheeling diode D can be either an external diode or the body diode of the
complementary MOSFET in a bridge leg. The inductor L is large enough for the device under
test to be switched at a frequency and duty ratio which maintains the inductor current at the test
value,

Although this circuit may not represent the application configuration, its use is nearly
standard in the device industry, providing a common metric with which to compare the switching
performance of different devices. The definition of switching times is shown in Fig. 17.39(b).
These parameters and their associated losses Eoy and Eyg are given in the datasheet for one
(typically a low) value of Rg, but graphs of these parameters are also given that are parametric
in Rg. The junction temperatures at which the single data point and graphs are measured is
also given, but may not be the same. For example, the single datasheet parameter may be at
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Figure 17.39 (a)Clamped inductive load test circuit used to determine MOSFET switching times and energy.
(b) Waveforms of vgg and VDS showing how the different switching parameters are defined.

T; = 175°C while the graphs give losses at 77 = 25°C. There may be a graph included which
provides the temperature dependence of loss versus 7 for one value of Rg from which the
temperature dependence at other values of Rg may be inferred.

Thermal Parameters

Keeping T; below its maximum allowed temperature, which is generally given on the first page
of the datasheet, is critical to maintaining the integrity of the device. The primary parameter
for the circuit designer is Ryjc, the thermal resistance between the device junction and its case.
Thermal design and the use of this parameter is covered in Chapter 25, but in summary it relates
the dissipated power to the difference between case and junction temperatures. It is a single
number with units of °C/W. Further thermal characterization is provided in a graph of thermal
impedance versus pulse width with duty ratio as a parameter. The use of this graph is also covered
in Chapter 26.

Another datasheet parameter related to the device’s thermal behavior is maximum power
dissipation, Pp. This number is generally surprisingly high because it is calculated based on
T; = Tymax and T¢ = 25°C, conditions difficult to replicate in practice. A graph is always
included which provide a power derating curve for 77 = Tymax and Tymin < Tc < Timax.

Device Capacitances

The device capacitances Cig, Coss, and Cyg are given in two places on the datasheet: a single
numerical value with test conditions noted, and, because these capacitances are nonlinear,
a graph of their incremental values versus Vpg. Since Cog figures prominently in switching
behavior, two additional linear parameters are provided: the energy-related capacitance Coy(er)
and the rime-related capacitance Cy;). The former is the capacitance which stores the same
energy as C, as Vpg rises from 0 to a specified value. The latter is the capacitance which, when
charged at the device’s specified continuous drain current Ip, results in the same charging time
to the specified Vps as Cyys.
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Figure 17.40 The safe operating area (SOA) graph for the Wolfspeed C3M0075120D SiC MOSFET. (Used
with permission of Wolfspeed, Inc.)

Safe Operating Area

The SOA is presented in graphical form as shown in Fig. 17.40 and provides a region in the
ip~vps plane in which the device will operate safely at the specified T, which is usually 25 °C.
It is most useful in applications where high Ip and Vpg occur simultaneously, such as non-
switching (linear) audio amplifiers, or during the switching transient. Boundary (a) is defined
by the datasheet parameter Ippuse), Which is limited by the die bonding system and packaging
constraints, and boundary (b) is constrained by the datasheet value of Vpgimax), sometimes
identified as Vpgs. Boundary (c) shows the constraint on Vpg at a given I; due to Rps(on), that
is, Vps = RpsinyIp. The 45° lines (d) are the constant power loci for single pulses of different
widths, each of which results in 7 = Tjimax). Since the test condition is T¢ = 25 °C, for most
applications the curves (d) have to be derated, reducing the SOA. The process of derating these
curves is described in Chapter 25,

Diode Parameters

The body diode of the MOSFET is characterized in the datasheet with respect to forward
voltage, continuous current, pulse current capability, and reverse parameters, The most useful
of these is usually the reverse recovery time, #,,.

Graphed Parameters

In addition to those graphed parameters already mentioned, other device parameters are also
graphed as functions of T¢, Ty, Vps, or Vgs. Their use is self-evident. The most useful of
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Figure 17.41 The temperature dependence of Rpg(on) for (a) an IPW60R018CFD7 Si MOSFET, and (b) an
IMWG65R027M1H SiC MOSFET. (Used with permission of Infineon Technologies.)

these graphs are those which characterize Rpseon) as functions of Ty, Ip, and Vgs. Figure
17.41 illustrates the behavior of Rpson) Versus T for both a Si and SiC MOSFET which have
similar voltage ratings. The datasheet generally gives a value of Rps(on) at Ty = 25°C, and the
graph provides its temperature dependence normalized to this value. The Si MOSFET exhibits
substantial variation with Ty, increasing by approximately 125% over its operating temperature
range. However, because of different mechanisms affecting channel and drift region mobilities
in the SiC device, its Rps(on) variation with 7 is substantially less, increasing by only 30% over
the same temperature range. There are frequently additional graphs which illustrate how Vs
and Ip affect Rpsion).

Notes and Bibliography

The best general references on the material presented in this chapter are [1] and [2]. Baliga’s book has
extensive coverage of all the devices discussed in this chapter, but focuses more on device physics than
phenomenological behavior. Sze, while not devoted to power devices, is another source of how and why
device parameters vary with temperature, dopant concentration, etc. A comprehensive treatment of the
Schottky diode and the physics of thermionic emission is also provided.

Chapter 3 of [3] by J. D. Plummer and R. D. Blanchard provides an excellent discussion of the power
MOSFET development and addresses the difference in the ip-ves relationship between signal- and power-
level devices. Udrea et al. [4] provides an excellent discussion of superjunction technology, with an extensive
reference list for those wishing to explore the technology further.

A good appreciation of the benefits of SiC can be found in [5] and [6]. The Shinkansen application in
[6] is especially interesting for the system implications of changing from Si to SiC devices. The problem




542

17 Power Semiconductor Devices

of device output capacitance loss explored in {7], though addressing the Schottky diode, is relevant to the
similar phenomenon in Si SIFETs and GaN HEMTs,

A good discussion of the dynamic on-state resistance of GaN FETs can be found in {8]. The paper

also presents methods of measuring the phenomenon. Although short on physics, [9] provides extensive
information on the application of GaN devices. 2
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ROBLEMS

17.1 In determining the voltage v; across the intrinsic region of the pin diode we stated that

“Dg = Dy, = D, and therefore p, = wp, in the intrinsic region.” Justify the “therefore” in
this statement.

17.2 Reconsider Example 17.2 but with a doping density in the n~ region of 10'3/cm? and

a calculated n™ region width of 125 um, which now creates a punch-through pin diode.
Sketch the electric field in the diode and calculate its breakdown voltage. At this doping
density the critical field is approximately E, = 10° V/cm.

17.3 In Section 17.4.1 we noted that the collector side of the collector junction is lightly doped

to allow the SCL to expand into it. Why could we not instead create an intrinsic region
in the base with a highly doped field-stop layer at the emitter junction to allow the SCL
to grow into the base? (Hint: consider the issues discussed in Section 16.3.2.)

17.4 Figure 17.42(a) shows the vertical profile of a 77 mm-diameter fast-recovery rectifier

rated at 3000 A;pys. Use the parameters as given in Fig. 17.42(a) for parts (a) and (b)
of the problem.
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Figure 17.42 The 77 mm-diameter fast-recovery diode of Problem 17.4, and its lifetime profile.

(a) Determine the value of current density at which the device enters high-level injection
on the p side of the SCL.

(b) Assuming no bulk resistive drop, that is, no drop outside the SCL, determine the
terminal voltage of this diode at the rated current. Use the values for diffusion
constants and lifetimes given in Fig. 17.42.

(¢) What is the terminal voltage at the rated current if you do not ignore the drop across
the p region outside the SCL? For the purposes of this calculation, assume that you
can characterize the p region by an infinite lifetime within a diffusion length, L, of
the junction and by a lifetime of zero throughout the rest of the p region, as shown
in Fig. 17.42(b).

17.5 Figure 17.43 conceptually illustrates a MOSFET drain region whose physical dimensions
and resistance you are to compare for fabrication in Si and SiC. Use the parameters for

Si and SiC in Table 16.1 and assume that the drain in both cases will be required to
block 1kV.

S Si or SiC

R Eg,Np

D
o

Figure 17.43 A stylized representation of the drain region of a MOSFET having length £; to be analyzed
for fabrication in Si and SiC.

(a) Sketch the E-field and label its maximum value for both cases if the drain is fully
depleted when the device is blocking 1 kV.

(b) Under the conditions of (a), determine the length £, for both materials.
(c) Determine the doping density, Np, consistent with the answers to (a) and (b).

(d) Determine and compare Rpgon) for the Si and SiC drains.
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17.6 This problem explores the effect of the nonlinearity of the device capacitances Cjg, Ci,
and Cygy on DMOS switching behavior. A DMOS switching a clamped inductive load,
along with its graphically represented capacitances, are shown in Fig. 17.44. The device
is carrying 50 A when it is turned off. Assume vgs = 0 instantaneously at £ = %
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Figure 17.44 (a) A DMOS switching a clamped inductive load. (b) Capacitances as a function of Vpg for
the DMOS of (a).

(a) Redraw Fig, 17.44(a) with its terminally viewed capacitances in terms of Cjg, Cys,
and C,g,. (You might want to refer to Fig. 16.15).

(b) Which capacitance(s) will dominate the turn-off transient?
(¢) Draw the circuit relevant to determining the transient.

(d) Approximating the capacitances as constant at their average values during discrete
intervals of Avpg = 50V, plot vpg(¢) during turn-off and estimate its rise time.

(e) The time-related output capacitance, Cy(s), for this device is 370 pF. Compare your
estimated rise time to that calculated using Cy).






