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Preface

Since the publication of the first edition of this book, the field of analog integrated circuits has
developed and matured. The initial groundwork was laid in bipolar technology, followed by
a rapid evolution of MOS analog integrated circuits. Thirty years ago, CMOS technologies
were fast enough to support applications only at audio frequencies. However, the continu-
ing reduction of the minimum feature size in integrated-circuit (IC) technologies has greatly
increased the maximum operating frequencies, and CMOS technologies have become fast
enough for many new applications as a result. For example, the bandwidth in some video
applications is about 4 MHz, requiring bipolar technologies as recently as about twenty-three
years ago. Now, however, CMOS easily can accommodate the required bandwidth for video
and is being used for radio-frequency applications. Today, bipolar integrated circuits are used in
some applications that require very low noise, very wide bandwidth, or driving low-impedance
loads.

In this fifth edition, coverage of the bipolar 741 op amp has been replaced with a low-
voltage bipolar op amp, the NE5234, with rail-to-rail common-mode input range and almost
rail-to-rail output swing. Analysis of a fully differential CMOS folded-cascode operational
amplifier (op amp) is now included in Chapter 12. The 560B phase-locked loop, which is no
longer commercially available, has been deleted from Chapter 10.

The SPICE computer analysis program is now readily available to virtually all electrical
engineering students and professionals, and we have included extensive use of SPICE in this
edition, particularly as an integral part of many problems. We have used computer analysis as
it is most commonly employed in the engineering design process—both as a more accurate
check on hand calculations, and also as a tool to examine complex circuit behavior beyond the
scope of hand analysis.

An in-depth look at SPICE as an indispensable tool for IC robust design can be found in
The SPICE Book, 2nd ed., published by J. Wiley and Sons. This text contains many worked
out circuit designs and verification examples linked to the muititude of analyses available in
the most popular versions of SPICE. The SPICE Book conveys the role of simulation as an
integral part of the design process, but not as a replacement for solid circuit-design knowledge.

This book is intended to be useful both as a text for students and as a reference book for
practicing engineers. For class use, each chapter includes many worked problems; the problem
sets at the end of each chapter illustrate the practical applications of the material in the text. All
of the authors have extensive industrial experience in IC design and in the teaching of courses
on this subject; this experience is reflected in the choice of text material and in the problem
sets.

Although this book is concerned largely with the analysis and design of ICs, a considerable
amount of material also is included on applications. In practice, these two subjects are closely
linked, and a knowledge of both is essential for designers and users of ICs. The latter compose
the larger group by far, and we believe that a working knowledge of IC design is a great
advantage to an IC user. This is particularly apparent when the user must choose from among a
number of competing designs to satisfy a particular need. An understanding of the IC structure
is then useful in evaluating the relative desirability of the different designs under extremes of
environment or in the presence of variations in supply voltage. In addition, the IC user is in a
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much better position to interpret a manufacturer’s data if he or she has a working knowledge
of the internal operation of the integrated circuit.

The contents of this book stem largely from courses on analog integrated circuits given at
the University of California at the Berkeley and Davis campuses. The courses are senior-level
electives and first-year graduate courses. The book is structured so that it can be used as the
basic text for a sequence of such courses. The more advanced material is found at the end of
each chapter or in an appendix so that a first course in analog integrated circuits can omit this
material without loss of continuity. An outline of each chapter is given below with suggestions
for material to be covered in such a first course. It is assumed that the course consists of three
hours of lecture per week over a fifteen-week semester and that the students have a working
knowledge of Laplace transforms and frequency-domain circuit analysis. It is also assumed
that the students have had an introductory course in electronics so that they are familiar with
the principles of transistor operation and with the functioning of simple analog circuits. Unless
otherwise stated, each chapter requires three to four lecture hours to cover.

Chapter 1 contains a summary of bipolar transistor and MOS transistor device physics.
We suggest spending one week on selected topics from this chapter, with the choice of topics
depending on the background of the students. The material of Chapters 1 and 2 is quite important
in IC design because there is significant interaction between circuit and device design, as will
be seen in later chapters. A thorough understanding of the influence of device fabrication on
device characteristics is essential.

Chapter 2 is concerned with the technology of IC fabrication and is largely descriptive.
One lecture on this material should suffice if the students are assigned the chapter to read.

Chapter 3 deals with the characteristics of elementary transistor connections. The material
on one-transistor amplifiers should be areview for students at the senior and graduate levels and
can be assigned as reading. The section on two-transistor amplifiers can be covered in about
three hours, with greatest emphasis on differential pairs. The material on device mismatch
effects in differential amplifiers can be covered to the extent that time allows.

In Chapter 4, the important topics of current mirrors and active loads are considered. These
configurations are basic building blocks in modern analog IC design, and this material should
be covered in full, with the exception of the material on band-gap references and the material
in the appendices.

Chapter 5 is concerned with output stages and methods of delivering output powerto a load.
Integrated-circuit realizations of Class A, Class B, and Class AB output stages are described,
as well as methods of output-stage protection. A selection of topics from this chapter should
be covered.

Chapter 6 deals with the design of operational amplifiers (op amps). Illustrative examples
of dc and ac analysis in both MOS and bipolar op amps are performed in detail, and the limita-
tions of the basic op amps are described. The design of op amps with improved characteristics
in both MOS and bipolar technologies are considered. This key chapter on amplifier design
requires at least six hours.

In Chapter 7, the frequency response of amplifiers is considered. The zero-value time-
constant technique is introduced for the calculations of the —3-dB frequency of complex circuits.
The material of this chapter should be considered in full.

Chapter 8 describes the analysis of feedback circuits. Two different types of analysis are
presented: two-port and return-ratio analyses. Either approach should be covered in full with
the section on voltage regulators assigned as reading.

Chapter 9 deals with the frequency response and stability of feedback circuits and should
be covered up to the section on root locus. Time may not permit a detailed discussion of root
locus, but some introduction to this topic can be given.
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In a fifteen-week semester, coverage of the above material leaves about two weeks for
Chapters 10, 11, and 12. A selection of topics from these chapters can be chosen as follows.
Chapter 10 deals with nonlinear analog circuits and portions of this chapter up to Section
10.2 could be covered in a first course. Chapter 11 is a comprehensive treatment of noise
in integrated circuits and material up to and including Section 11.4 is suitable. Chapter 12
describes fully differential operational amplifiers and common-mode feedback and may be
best suited for a second course.

We are grateful to the following colleagues for their suggestions for and/or evaluation of
this book: R. Jacob Baker, Bernhard E. Boser, A. Paul Brokaw, Iwen Chao, John N. Churchill,
David W. Cline, Kenneth C. Dyer, Ozan E. Erdogan, John W. Fattaruso, Weinan Gao, Edwin
W. Greeneich, Alex Gros-Balthazard, Tiinde Gyurics, Ward J. Helms, Kaveh Hosseini, Tim-
othy H. Hu, Shafiq M. Jamal, John P. Keane, Haideh Khorramabadi, Pak Kim Lau, Thomas
W. Matthews, Krishnaswamy Nagaraj, Khalil Najafi, Borivoje Nikoli¢, Keith O’Donoghue,
Robert A. Pease, Lawrence T. Pileggi, Edgar Sdnchez-Sinencio, Bang-Sup Song, Richard R.
Spencer, Eric J. Swanson, Andrew Y. J. Szeto, Yannis P. Tsividis, Srikanth Vaidianathan, T. R.
Viswanathan, Chorng-Kuang Wang, Dong Wang, and Mo Maggie Zhang. We are also grateful
to Darrel Akers, Mu Jane Lee, Lakshmi Rao, Nattapol Sitthimahachaikul, Haoyue Wang, and
Mo Maggie Zhang for help with proofreading, and to Chi Ho Law for aliowing us to use on the
cover of this book a die photograph of an integrated circuit he designed. Finally, we would like
to thank the staffs at Wiley and Elm Street Publishing Services for their efforts in producing
this edition.

The material in this book has been greatly influenced by our association with the late
Donald O. Pederson, and we acknowledge his contributions.

Berkeley and Davis, CA, 2008 Paul R. Gray
Paul J. Hurst
Stephen H. Lewis
Robert G. Meyer
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Symbol Convention

Unless otherwise stated, the following symbol convention is used in this book. Bias or dc
quantities, such as transistor collector current I¢ and collector-emitter voltage Vcg, are
represented by uppercase symbols with uppercase subscripts. Small-signal quantities, such
as the incremental change in transistor collector current i, are represented by lowercase
symbols with lowercase subscripts. Elements such as transconductance g,, in small-signal
equivalent circuits are represented in the same way. Finally, quantities such as fotal col-
lector current I, which represent the sum of the bias quantity and the signal quantity, are
represented by an uppercase symbol with a lowercase subscript.
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Models for Integrated-Circuit
Active Devices

1.1 Introduction

The analysis and design of integrated circuits depend heavily on the utilization of suitable
models for integrated-circuit components. This is true in hand analysis, where fairly simple
models are generally used, and in computer analysis, where more complex models are encoun-
tered. Since any analysis is only as accurate as the model used, it is essential that the circuit
designer have a thorough understanding of the origin of the models commonly utilized and the
degree of approximation involved in each.

This chapter deals with the derivation of large-signal and small-signal models for
integrated-circuit devices. The treatment begins with a consideration of the properties of pn
junctions, which are basic parts of most integrated-circuit elements. Since this book is primarily
concerned with circuit analysis and design, no attempt has been made to produce a comprehen-
sive treatment of semiconductor physics. The emphasis is on summarizing the basic aspects
of semiconductor-device behavior and indicating how these can be modeled by equivalent
circuits.

1.2 Depletion Region of a pn Junction

The properties of reverse-biased pr junctions have an important influence on the character-
istics of many integrated-circuit components. For example, reverse-biased pn junctions exist
between many integrated-circuit elements and the underlying substrate, and these junctions
all contribute voltage-dependent parasitic capacitances. In addition, a number of important
characteristics of aclive devices, such as breakdown voltage and output resistance, depend
directly on the properties of the depletion region of a reverse-biased pr junction. Finally. the
basic operation of the junction field-effect transistor is controlled by the width of the depletion
region of a pn junction. Because of its importance and application to many different problems,
an analysis of the depletion region of a reverse-biased pn junction is considered below. The
properties of forward-biased pn junctions are treated in Section 1.3 when bipolar-transistor
operation is described.

Consider a pn junction under reverse bias as shown in Fig. 1.1. Assume constant doping
densities of Np atoms/cm? in the n-lype material and N4 atloms/cm? in the p-lype material.
(The characteristics of junctions with nonconstant doping densities will be described later.)
Due to the difference in carrier concentrations in the p-type and n-type regions, there exists a
region at the junction where the mobile holes and electrons have been removed, leaving the
fixed acceptor and donor ions. Each acceptor atom carries a negative charge and each donor
atom carries a positive charge, so that the region near the junction is one of significant space
charge and resulting high electric field. This is called the depletion region or space-charge
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region. It is assumed that the edges of the depletion region are sharply defined as shown in
Fig. 1.1, and this is a good approximation in most cases.

For zero applied bias, there exists a voltage v across the junction called the built-in
potential. This potential opposes the diffusion of mobile holes and electrons across the junction
in equilibrium and has a value!

NaNp

Yo = Vrin 3 (1.1)

n;

where

Vr = k—7: ~26mV at 300°K
q
the quantity n; is the intrinsic carricr concentration in a pure sample of the semiconductor and
ni = 1.5 x 10"%m=? at 300°K for silicon.
In Fig. 1.1 the built-in potential is augmented by the applied reverse bias, Vg, and the total
voltage across the junction is (Yo + Vg). If the depletion region penetrates a distance W) into
the p-type region and W, into the n-type region, then we require

WiN4 = WoNp (1.2)

because the total charge per unit area on either side of the junction must be equal in magnitude
but opposite in sign.
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Poisson’s equation in one dimension requires that

d*v N
LB b Wy 2xel (1.3)
dx? € €

where p is the charge density, g is the electron charge (1.6 x 10~!'? coulomb), and « is the
permittivity of the silicon (1.04 x 10™!2 farad/cm). The permittivity is often expressed as

e = Ksep (1.4)

where K's is the dielectric constant of silicon and eg is the permittivity of free space (8.86 x
10~ '* F/ecm). Integration of (1.3) gives

dv N
el i PR (1.5)
dx €

where C| is a constant. However, the electric field € is given by

av N
dx €

Since there is zero electric field outside the depletion region, a boundary condition is
E€=0 for x=—-W

and use of this condition in (1.6) gives
N dv
g=-21"40 4 W=- for —Wi<x<0 (1.7)
€ X

Thus the dipole of charge existing at the junction gives rise to an electric field that varies
linearly with distance.
Integration of (1.7) gives

N 0)
quTA <%+W1x)+C2 (1.8)

If the zero for potential is arbitrarily taken to be the potential of the neutral p-type region, then
a second boundary condition is

V=0 for x=-W,

and use of this in (1.8) gives

N 4 w?
v=TA M L wixt 2L for Wi <x<0 (1.9)
€ 2 2
At x = 0, we define V = V|, and then (1.9) gives
Ny Wi
= BT (1.10)
€ 2
If the potential difference from x = 0 to x = W3 is V3, then it follows that
Np W3
Vs B2 (1.11)
e 2
and thus the total voltage across the junction is
g
Yo + VR=V1+V2=§1-€(N,4W,2+NDW§) (1.12)
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Substitution of (1.2) in (1.12) gives

gWiNa Na
Vg = I+ —
Yo+ Vg 5 + Vo

From (1.13), the penetration of the depletion layer into the p-type region is

- 4172
2 vV
W= | 200+ Ve
A
Nall+—
_q A < . No)-
Similarly,
- 172
2
W = |- €(¥o + Vr)
T S
-q o Ny/l

(1.13)

(1.14)

(1.15)

Equations 1.14 and 1.15 show that the depletion regions extend into the p-type and n-type
regions in inverse relation to the impurity concentrations and in proportion to /¥ + Vg. If
either Np or N4 is much larger than the other, the depletion region exists almost entirely in

the lightly doped region.

EXAMPLE

An abrupt pn junction in silicon has doping densities N4 = 10'° atoms/cm® and Np = 101©
atoms/cm?. Calculate the junction built-in potential, the depletion-layer depths, and the max-

imum field with 10 V reverse bias.

From (1.1)
L nk | i 300°K
1[/0 = n m mV =638mV at 3
From (1.14) the depletion-layer depth in the p-type region is
2% 1.04 x 10712 x 10,64\ 25 x 104
= =230 X 11
T 16x 1009 % 1055 x 1.1 “

= 3.5 um (where I wm = 1 micrometer = 1076 m)

The depletion-layer depth in the more heavily doped n-type region is

(2 x 1.04 x 10712 x 10.64
2:

12
=0.35x 107 cm = 0.35
1.6 x 10719 x 1016 x 11 ) WS RS wn
Finally, from (1.7) the maximum field that occurs for x = 0 is

101 x 3.5 x 10~*
1.04 x 10-12

N
g =4 m o J5x Yk
€

max

= —5.4 x 10* V/em

Note the large magnitude of this electric field.
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1.2.1 Depletion-Region Capacitance
Since there is a voltage-dependent charge Q associated with the depletion region, we can
calculate a small-signal capacitance C; as follows:
d dQ dw,
. o B S (1.16)
dVg  dW) dVR

Now
dQ = AgN.dW, (1.17)
where A is the cross-sectional area of the junction. Differentiation of (1.14) gives
12
dw
= & (1.18)
R 2Ny (1 3 —A> (Yo + Vi)
Np
Use of (1.17) and (1.18) in (1.16) gives
C.= { qgeN4Np }1/2 1 (1.19)
! 2ANs+Np)| I+ Vr '

The above equation was derived for the case of reverse bias Vi applied to the diode.
However, it is valid for positive bias voltages as long as the forward current flow is small.
Thus, if Vp represents the bias on the junction (positive for forward bias, negative for reverse

bias). then (1.19) can be written as

Np 1'7? |
3 [ o ] (1.20)
2(N4 + Np) VYo —Vp
Cio (1.21)

Yo
where Cy is the value of C; for Vp = 0.
Equations 1.20 and 1.21 were derived using the assumption of constant doping in the
p-type and n-type regions. However, many practical diffused junctions more closely approach
a graded doping profile as shown in Fig. 1.2. In this case, a similar calculation yields

Cio

Cj= s 1.22
f== = Vo (1.22)

> 1 g, ., A

Vo

Charge density p
. p=ax
— i x Distance
,-f"—’ Figure 1.2 Charge density versus
distance in a graded junction.
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('-/
More accurate
calculation
Simple theory
(Equation 1.21) \
il i
\ i
| ;
] _' V
W ¥ i
2
Reverse bias Forward bias

Figure 1.3 Behavior of pn junction depletion-layer capacitance C; as a function of bias
voltage Vp.

Note that both (1.21) and (1.22) predict values of C; approaching infinity as Vp approaches .
However, the current flow in the diode is then appreciable and the equations are no longer valid.
A more exact analysis>> of the behavior of C ' as a function of Vp gives the result shown in
Fig. 1.3. For forward bias voltages up to about /2, the values of C; predicted by (1.21)
are very close to the more accurate value. As an approximation, some computer programs
approximate C; for Vp > v /2 by a linear extrapolation of (1.21) or (1.22).

EXAMPLE

It the zero-bias capacitance of a diffused junction is 3 pF and vy = 0.5 V, calculate the
capacitance with 10 V reverse bias. Assume the doping profile can be approximated by an
abrupt junction.

From (1.21)

3

1) =l =
+0.5

1.2.2 Junction Breakdown

From Fig. 1.1c it can be seen that the maximum electric field in the depletion region occurs at

the junction, and for an abrupt junction (1.7) yields a value
Na
Cmax = —q_e_ Wy (1.23)
Substitution of (1.14) in (1.23) gives
[ 2gNsANpVg L2
B ] = | ——————— 1.24

where ¥ has been neglected. Equation 1.24 shows that the maximum field increases as the
doping density increases and the reverse bias increases. Although uscful for indicating the
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functional dependence of €, on other variables, this equation is strictly valid for an ideal
plane junction only. Practical junctions tend to have edge effects that cause somewhat higher
values of €., due to a concentration of the field at the curved edges of the junction.

Any reverse-biased pn junction has a small reverse current flow due to the presence of
minority-carrier holes and electrons in the vicinity of the depletion region. These are swept
across the depletion region by the field and contribute to the leakage current of the junction.
As the reverse bias on the junction is increased, the maximum field increases and the carriers
acquire increasing amounts of energy between lattice collisions in the depletion region. At a
critical field €, the carriers traversing the depletion region acquire sufficient energy to create
new hole-electron pairs in collisions with silicon atoms. This is called the avalanche process
and leads to a sudden increase in the reverse-bias leakage current since the newly created
carriers are also capable of producing avalanche. The value of €, is about 3 x 10° V/cm for
junction doping densities in the range of 10" to 10'® atoms/cm?, but it increases slowly as the
doping density increases and reaches about 10® V/em for doping densities of 108 atoms/em?.

A typical I-V characteristic for a junction diode is shown in Fig. 1.4, and the effect of
avalanche breakdown is seen by the large increase in reverse current, which occurs as the
reverse bias approaches the breakdown voltage BV. This corresponds to the maximum field
&max Approaching €., It has been found empirically* that if the normal reverse bias current
of the diode is Tr with no avalanche effect, then the actual reverse current near the breakdown
voltage is

Ira = MlIg (1.25)
where M is the multiplication factor defined by

M= ,1—— (1.26)

V n
L (Yr
()

In this equation, Vy is the reverse bias on the diode and n has a value between 3 and 6.

I'mA

—-BV 1H
1
1
4] | |1 | I |
-25( -20 -15 -10 -5 5 10 15

V volts

Figure 1.4 Typical I-V characteristic of a junction diode showing avalanche breakdown.
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The operation of a pn junction in the breakdown region is not inherently destructive.
However, the avalanche current flow must be limited by external resistors in order to prevent
excessive power dissipation from occurring at the junction and causing damage to the device.
Diodes operated in the avalanche region are widely used as voltage references and are called
Zener diodes. There is another, related process called Zener breakdown,® which is different
from the avalanche breakdown described above. Zener breakdown occurs only in very heavily
doped junctions where the electric field becomes large enough (even with small reverse-bias
voltages) to strip electrons away from the valence bonds. This process is called tunneling, and
there is no multiplication effect as in avalanche breakdown. Although the Zener breakdown
mechanism is important only for breakdown voltages below about 6 V, all breakdown diodes
are commonly referred to as Zener diodes.

The calculations so far have been concerned with the breakdown characteristic of plane
abrupt junctions. Practical diffused junctions differ in some respects from these results and
the characteristics of these junctions have been calculated and tabulated for use by designers.’
In particular, edge effects in practical diffused junctions can result in breakdown voltages as
much as 50 percent below the value calculated for a plane junction.

EXAMPLE

An abrupt plane pn junction has doping densities N4 = 5 x 10" atoms/cm? and Np = 10'¢
atoms/cm?. Calculate the breakdown voltage if €., = 3 x 10° V/em,

The breakdown voltage is calculated using ¢ ., = €5, in (1.24) to give
€(Na+Np)_>

quA N[) ‘e

1.04 x 10712 x 15 x 103
2x 1.6 x1071% x 5 x 1015 x 106
g8V

BV =

x9x100V

1.3 Large-Signal Behavior of Bipolar Transistors

In this section, the large-signal or dc behavior of bipolar transistors is considered. Large-signal
models are developed for the calculation of total currents and voltages in transistor circuits,
and such effects as breakdown voltage limitations, which are usually not included in models,
are also considered. Second-order effects, such as current-gain variation with collector current
and Early voltage, can be important in many circuits and are treated in detail.

The sign conventions used for bipolar transistor currents and voltages are shown in
Fig. 1.5. All bias currents for both npr and pnp transistors are assumed positive going into
the device.

1.3.1 Large-Signal Models in the Forward-Active Region

A typical npn planar bipolar transistor structure is shown in Fig. 1.6a, where collector, base,
and emitter are labeled C, B, and E, respectively. The method of fabricating such transistor
structures is described in Chapter 2. It is shown there that the impurity doping density in the
base and the emitter of such a transistor is not constant but varies with distance from the top
surface. However, many of the characteristics of such a device can be predicted by analyzing
the idcalized transistor structurc shown in Fig. 1.6b. In this structure, the base and cmitter
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doping densities are assumed constant, and this is sometimes called a uniform-base transistor.
Where possible in the following analyses, the equations for the uniform-base analysis are
expressed in a form that applies also to nonuniform-base transistors.

A cross section AA’ is taken through the device of Fig. 1.6b and carrier concentrations
along this section are plotted in Fig. 1.6¢. Hole concentrations are denoted by p and electron
concentrations by n with subscripts p or n representing p-type or n-type regions. The n-
type emitter and collector regions are distinguished by subscripts E and C, respectively. The
carrier concentrations shown in Fig. 1.6¢ apply to a device in the forward-active region.
That is, the base-emitter junction is forward biased and the base-collector junction is reverse
biased. The minority-carrier concentrations in the base at the edges of the depletion regions
can be calculated from a Boltzmann approximation to the Fermi-Dirac distribution function
to give®

VaE
1,(0) = 11y eXP - ‘f: (1.27)
V,
np(WB) = Npp EXP VLTC ==} (1.28)

where Wg is the width of the base from the base-emitter depletion layer edge to the base-
collector depletion layer edge and 1y, is the equilibrium concentration of electrons in the base.
Note that V¢ is negative for an npn transistor in the forward-active region and thus n,(W3) is
very small, Low-level injection conditions are assumed in the derivation of (1.27) and (1.28).
This means that the minority-carrier concentrations are always assumed much smaller than the
majority-carrier concentration.

If recombination of holes and electrons in the base is small, it can be shown that’ the
minority-carrier concentration 1,(x) in the base varies linearly with distance. Thus a straight
line can be drawn joining the concentrations at x = § and x = Wp in Fig. 1.6¢.

For charge neutrality in the base, it is necessary that

N4+ np(x) = pp(x) (1.29)
and thus
pp(x) — nap(x) = Ny (1.30)

where pp(x) is the hole concentration in the base and N4 is the base doping density that
is assumed constant. Equation 1.30 indicates that the hole and electron concentrations are
separated by a constant amount and thus p,(x) also varies linearly with distance.

Collector current is produced by minority-carrier electrons in the base diffusing in the
direction of the concentration gradient and being swept across the collector-base depletion
region by the field existing there. The diffusion current density due to electrons in the base is

dnp(x)

Ju —_-an (1.31)
dx
where D, is the diffusion constant for electrons. From Fig. 1.6¢
1n,(0)
Jy = —gD, 2= 1.32
n qLn Ws ( )

If I¢ is the collector current and is taken as positive flowing info the collector, it follows from
(1.32) that

n,(0)

Wp (1.33)

Ic =qAD,
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where A is the cross-sectional area of the emitter. Substitution of (1.27) into (1.33) gives

_ qADynp, & VBE

1 e 1.34
c W Xp Ve (1.34)
VaE
=T - 1.35
s eXp Vr ( )
where
qADnnpo
Is = — 1.36
s Ws (1.36)

and I is a constant used to describe the transfer characteristic of the transistor in the forward-
active region. Equation 1.36 can be expressed in terms of the base doping density by noting
that® (see Chapter 2)

32
n;

Npo = —N: ( 1 37)

and substitution of (1.37) in (1.36) gives

gA D,,n,-2 qAﬁ,,n,-2

WpNy Op

where Op = WpNy4 is the number of doping atoms in the base per unit area of the emitter and
n; is the intrinsic carrier concentration in silicon. In this form (1.38) applies to both uniform-
and nonuniform-base transistors and D, has been replaced by Dj,, which is an average effective
value for the electron diffusion constant in the base. This is necessary for nonuniform-base
devices because the diffusion constant is a function of impurity concentration. Typical values
of I5 as given by (1.38) are from 10~ "% to 10~ 16 A.

Equation 1.35 gives the collector current as a function of base-emitter voltage. The base
current /p is also an important parameter and, at moderate current levels, consists of two
major components. One of these (/1) represents recombination of holes and electrons in the
base and is proportional to the minority-carrier charge Q. in the base. From Fig. 1.6¢, the
minority-carrier charge in the base is

(1.38)

1
Q. = 5 (0)WpgA (1.39)

and we have
Q. _ 1n,(0)WpgA

1.40
Th 2 Th ¢ )

Ip =
where 75, is the minority-carrier lifetime in the base. /| represents a flow of majority holes
(rom the base lead into the base region. Substitution of (1.27) in (1.40) gives

1 1p,WpgA \4:75
e ol

2 T Vr
The second major component of base current (usually the dominant one in integrated-

circuit npn devices) is due to injection of holes from the base into the emitter. This current
component depends on the gradient of minority-carrier holes in the emitter and is°

qAD
Ly

Ig = (141

Ipr = P pug(0) (1.42)

where D), is the diffusion constant for holes and L, is the diffusion length (assumed small)
for holes in the emitter. p,£(0) is the concentration of holes in the emitter at the edge of the
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depletion region and is

VBE
PnE(0) = ppEoexp —— (1.43)
Vr

If Np is the donor atom concentration in the emitter (assumed constant), then

71-2

g 1.44
PnEo ND ( )
The emitter is deliberately doped much more heavily than the base, making Np large and p, g,
small, so that the base-current component, Ip;, is minimized.
Substitution of (1.43) and (1.44) in (1.42) gives

gAD, ”12 VBE
Ipy = — - 1.45
B2 L, Np P Vr ( )

The total base current, /g, is the sum of Ig; and Ig»:

2
ln,,,,WBqA I ‘IADP”_i) - E (1.46)

Ip= I Ipy = S
B Bl + I (2 % L, Np p Vr

Although this equation was derived assuming uniform base and emitter doping, it gives
the correct functional dependence of /g on device parameters for practical double-diffused
nonuniform-base devices. Second-order components of /g, which are important at low current
levels, are considered later.

Since I¢ in (1.35) and 75 in (1.46) are both proportional to exp(Vpg/ Vr) in this analysis,
the base current can be expressed in terms of collector current as

Br
where BF is the forward current gain. An expression for S can be calculated by substituting
(1.34) and (1.46) in (1.47) to give

I (1.47)

qADynp,
Ws 1
S - B (1.48
P 1npsWagA _qADm? W3 D, Wg Ny :
2 Th L,Np 27,D, D, L, Np

where (1.37) has been substituted for n,,. Equation 1.48 shows that Sr is maximized by
minimizing the base width Wg and maximizing the ratio of emitter to base doping densities
Np/N4. Typical values of S for npn transistors in integrated circuits are 50 to 500, whereas
lateral pnp transistors (to be described in Chapter 2) have values 10 to 100. Finally, the emitter
current is

I 1
IE=—(1c+13)=—<lc+—C»)=——C (1.49)
Br aF
where
Br
= 1.50
=T + Br W=t
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The value of ar can be expressed in terms of device parameters by substituting (1.48) in
(1.50) to obtain

1 _ 1

oF = = — ~a 1.51)
F 1+L -, w3 D, W5 N TY (
Br 27, Dy Dy, Lp Np

where 3
oT = 1.51a
T ] Wl ( )

271, Dy,

1

y D, W, (1.51b)
D, Lp Np

The validity of (1.51) depends on W% /27Dy € 1and(D,/Dy)XWg/Lp)Na/Np) < 1,and
this is always true if SF is large [see (1.48)]. The term y in (1.51) is called the emitter injection
efficiency and is equal to the ratio of the electron current (npn transistor) injected into the
base from the emitter to the total hole and electron current crossing the base-emitter junction.
Ideally y — 1, and this is achieved by making Np/N4 large and W small. In that case very
little reverse injection occurs from base to emitter.

The term a7 in (1.51) is called the base transport factor and represents the fraction of
carriers injected into the base (from the emitter) that reach the collector. Ideally o7 — 1 and
this is achieved by making Wy small. It is evident from the above development that fabrication
changes that cause a7 and y to approach unity also maximize the value of S of the transistor.

The results derived above allow formulation of a large-signal model of the transistor
suitable for bias-circuit calculations with devices in the forward-active region. One such circuit
is shown in Fig. 1.7 and consists of a base-emitter diode to model (1.46) and a controlled
collector-current generator to model (1.47). Note that the collector voltage ideally has no
influence on the collector current and the collector node acts as a high-impedance current
source. A simpler version of this equivalent circuit, which is often useful, is shown in Fig.
1.7b, where the input diode has been replaced by a battery with a value Vggon), which is
usually 0.6 to 0.7 V. This represents the fact that in the forward-active region the base-emitter
voltage varies very little because of the steep slope of the exponential characteristic. In some
circuits the temperature coefficient of Vpg(on) is important, and a typical value for this is
—2 mV/°C. The equivalent circuits of Fig. 1.7 apply for npn transistors. For pnp devices the
corresponding equivalent circuits are shown in Fig. 1.8.

[I{ IB
B — C B C
o o —_—
& +
Vi h 4 Bely VaE (on) = C) Bily Figure 1.7 Large-signal
= models of npn transistors
o & - el +— o} e .
E E for use in bias calculations.
I Ve (@) Circuit incorporating
Ip= B exp v, an input diode.

(a)

(h)

(b) Simplified circuit with
an input voltage source.
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Ip

IR

B — C B
O O
+ —
Vae A Brlg VBE (on) T
+
» 0 O . . 2
E E
Vae Figure 1.8 Large-signal
Ig=- Br oxp= i models of pnp transistors

corresponding to the
circuits of Fig. 1.7.

1.3.2 Effects of Collector Voltage on Large-Signal Characteristics
in the Forward-Active Region

In the analysis of the previous section, the collector-base junction was assumed reverse biased
and ideally had no effect on the collector currents. This is a useful approximation for first-
order calculations, but is not strictly true in practice. There are occasions when the influence
of collector voltage on collector current is important, and this will now be investigated.

The collector voltage has a dramatic effect on the collector current in two regions of device
operation. These are the saturation (Vg approaches zero) and breakdown (Vg very large)
regions that will be considered later. For values of collector-emitter voltage Vg between these
extremes, the collector cutrent increases slowly as Vg increases. The reason for this can be
seen from Fig. 1.9, which is a sketch of the minority-carrier concentration in the base of the
transistor. Consider the effect of changes in Vg on the carrier concentration for constant Vgg.
Since VpE is constant, the change in Vg equals the change in Vg and this causes an increase
in the collector-base depletion-layer width as shown. The change in the base width of the
transistor, AWg, equals the change in the depletion-layer width and causes an increase Al¢
in the collector current.

From (1.35) and (1.38) we have

. [/Aﬁnn;l exp VaE

1.52
0Op Vr P

Ic

Carrier concentration
Collector depletion | |

region widens due — |
to AV r ;
|
i

IS R N

- l Initial ‘
_ Ve = depletion
1,(0) = 1y, €XP Vr | region 1
= |
Io+ Al S i
= * Figure 1.9 Effect of increases
Emitter Base _" ~A&Ws  Collector in Ve on the collector
W depletion region and base
i width of a bipolar transistor.
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Differentiation of (1.52) yields

al ADyn? v, d
bR (ex : BE)- ] (1.53)
VeE O3 Vr ) dVee
and substitution of (1.52) in (1.53) gives
al Ic d
‘_C 3 498 (1.54)
Ver QpdVce
For a uniform-base transistor Qg = WgN4, and (1.54) becomes
al, Ic dW
AN Wi (1.55)

WVee  WgdVee

Note that since the base width decreases as Ve increases, dWpg/dVcr in (1.55) is negative
and thus 31¢/aVE is positive. The magnitude of dWg /dV g can be calculated from (1.18) for
auniform-base transistor. This equation predicts that dWpg /d V£ is a function of the bias value
of Vg, but the variation is typically small for a reverse-biased junction and dWpg/dVcE is
often assumed constant. The resulting predictions agree adequately with experimental results.

Equation 1.55 shows that dI¢/dVE is proportional to the collector-bias current and
inversely proportional to the transistor base width. Thus narrow-base transistors show a greater
dependence of I on Vcg in the forward-active region. The dependence of dl¢/0VcE on Ic
results in typical transistor output characteristics as shown in Fig. 1.10. In accordance with
the assumptions made in the foregoing analysis, these characteristics are shown for constant
values of Vgg. However, in most integrated-circuit transistors the base current is dependent
only on Vg and not on Vg, and thus constant-base-current characteristics can often be used
in the following calculation. The reason for this is that the base current is usually dominated
by the 75, component of (1.45), which has no dependence on V. Extrapolation of the char-
acteristics of Fig. 1.10 back to the V¢ axis gives an intercept V4 called the Early voltage,
where

Ie
¢
Ve

V= (1.56)

Ic

Figure 1.10 Bipolar transistor output characteristics showing the Earlyvoltage, V.
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Substitution of (1.55) in (1.56) gives

dVce
Va=—-Wpg W (1.57)
which is a constant, independent of /. Thus all the characteristics extrapolate to the same
point on the Vg axis. The variation of Ic with Vg is called the Early effect, and V4 is
a common model parameter for circuit-analysis computer programs. Typical values of Vj4
for integrated-circuit transistors are 15 to 100 V. The inclusion of Early effect in dc bias
calculations is usually limited to computer analysis because of the complexity introduced into
the calculation. However, the influence of the Early effect is often dominant in small-signal
calculations for high-gain circuits and this point will be considered later.
Finally, the influence of Early effect on the transistor large-signal characteristics in the
forward-active region can be represented approximately by modifying (1.35) to

Vce VBE
Te=I¢|[ 14+ — |Jexp —— 1.58
oo+ ¥ s

This is a common means of representing the device output characteristics for computer
simulation.

1.3.3 Saturation and Inverse-Active Regions

Saturation is a region of device operation that is usually avoided in analog circuits because the
transistor gain is very low in this region. Saturation is much more commonly encountered in
digital circuits, where it provides a well-specified output voltage that represents a logic state.

In saturation, both emitter-base and collector-base junctions are forward biased. Conse-
quently, the collector-emitter voltage Vg is quite small and is usually in the range 0.05 to
0.3 V. The carrier concentrations in a saturated npn transistor with uniform base doping are
shown in Fig. 1.11. The minority-carrier concentration in the base at the edge of the depletion
region is again given by (1.28) as

BC

V
1,(Wp) = nu, exp V_T (1.59)

Carrier concentration
Hap

pp(x)

g -
”/71 (4\) ~“~.\_—"’
PuE st
- ~
- 3 ',

Emitter Base

Collector

Figure 1.11 Carrier concentrations in a saturated npn transistor. (Not to scale.)
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1-mA

Saturation
region
Forward active
region
| | | 1 - Ve
-8 -6 —4 - volt

I5=0.01 mA L _0.02 BVero
— —-0.04
Iz=0 L —0.06 _
Saturation
0.04 mA | oos %O
Inverse —-0.10

active region

Figure 1.12 Typical /- V5 characteristics for an npn bipolar transistor. Note the different scales for
positive and negative currents and voltages.

but since Vpc is now positive, the value of n,(Wg) is no longer negligible. Consequently,
changes in Vr with Vpp held constant (which cause equal changes in V) directly affect
n,(Wg). Since the collector current is proportional to the slope of the minority-carrier con-
centration in the base [see (1.31)], it is also proportional to [12,(0) — n,(Wp)] from Fig. 1.11.
Thus changes in n,(Wpg) directly affect the collector current, and the collector node of the
(ransistor appears (o have a low impedance. As Ve is decreased in saturation with Vg held
constant, Vg increases, as does 1,(Wp) from (1.59). Thus, from Fig. 1.11, the collector cur-
rent decreases because the slope of the carrier concentration decreases. This gives rise to the
saturation region of the /¢ — Vg characteristic shown in Fig. 1.12. The slope of the ¢ — Vg
characteristic in this region is largely determined by the resistance in series with the collector
lead due to the finite resistivity of the #-type collector material. A useful model for the transistor
in this region is shown in Fig. 1.13 and consists of a fixed voltage source to represent Vgg(on),
and a fixed voltage source to represent the collector-emitter voltage Vg sy). A more accurate
but more complex model includes a resistor in series with the collector. This resistor can have
a value ranging from 20 to 500 €2, depending on the device structure.

An additional aspect of transistor behavior in the saturation region is apparent from Fig.
1.11. For a given collector current, there is now a much larger amount of stored charge in the
base than there is in the forward-active region. Thus the base-current contribution represented
by (1.41) will be larger in saturation. In addition, since the collector-base junction is now
forward biased, there is a new base-current component due to injection of carriers from the
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E
(a) npn (b) prp
Figure 1.13 Large-signal models for bipolar transistors in the saturation region,

=

base to the collector. These two effects result in a base current I in saturation, which is larger
than in the forward-active region for a given collector current /. Ratio I/ Ip in saturation
is often referred to as the forced B and is always less than Sr. As the forced £ is made lower
with respect to S, the device is said to be more heavily saturated.

The minority-carrier concentration in saturation shown in Fig. 1.11 is a straight line join-
ing the two end points, assuming that recombination is small. This can be represented as a
linear superposition of the two dotted distributions as shown. The justification for this is that
the terminal currents depend linearly on the concentrations 12,(0) and 1n,(Wpg). This picture of
device carrier concentrations can be used to derive some general equations describing tran-
sistor behavior. Each of the distributions in Fig. 1.11 is considered separately and the two
contributions are combined. The emitrer current that would result from n,1(x) above is given
by the classical diode equation

1%
Bin = —Joe (exp A 3 1) (1.60)
Vr

where /g is a constant that is often referred to as the saturation current of the junction (no
connection with the transistor saturation previously described). Equation {.60 predicts that
the junction current is given by Igr =~ Igs with a reverse-bias voltage applied. However,
in practice (1.60) is applicable only in the forward-bias region, since second-order effects
dominate under reverse-bias conditions and typically result in a junction current several orders
of magnitude larger than /gg. The junction current that flows under reverse-bias conditions is
often called the leakage current of the junction.

Returning to Fig. 1.11, we can describe the collector current resulting from np2(x)
alone as

v
ICR = _]CS <exp ‘fC == 1> (161)
T

where Ics is a constant. The total collector current /¢ is given by Icx plus the fraction of Irf
that reaches the collector (allowing for recombination and reverse emitter injection). Thus

-y, v,
Te = wpls (exp -‘f: - 1) T <cxp ‘fTC - 1) (1.62)

where o has been defined previously by (1.51). Similarly, the total emitter current is composed
of Igr plus the fraction of Icg that reaches the emitter with the transistor acting in an inverted
mode. Thus

VBE Ve

Ip=~Igs [exp—= — 1 ) + aglcs [ exp =< — 1 (1.63)
Vr Vr

where ag is the ratio of emitter to collector current with the transistor operating inverted

(i.e., with the collector-base junction forward biased and emitting carriers into the base and the

emitter-base junction reverse biased and collecting carriers). Typical values of o g are 0.5 t0 0.8.



Page 34 of 90

1.3 Large-Signal Behavior of Bipolar Transistors 19

An inverse current gain g is also defined

R

Br (1.64)

T1- oR
and has typical values | to 5. This is the current gain of the transistor when operated inverted
and is much lower than Sr because the device geometry and doping densities are designed
to maximize Sr. The inverse-active region of device operation occurs for V¢ negative in an
npn transistor and is shown in Fig. 1.12. In order to display these characteristics adequately
in the same figure as the forward-active region, the negative vollage and current scales have
been expanded. The inverse-active mode of operation is rarely encountered in analog circuits.

Equations 1.62 and 1.63 describe npn transistor operation in the saturation region when
VeEe and Vpc are both positive, and also in the forward-active and inverse-active regions.
These equations are the Ebers-Moll equations. In the forward-active region, they degenerate
into a form similar to that of (1.35), (1.47), and (1.49) derived earlier. This can be shown by
putting Vpg positive and Vpc negative in (1.62) and (1.63) to obtain

V,
Ic =arlgs <exp VLTE - 1) + Ics (1.65)

1%
IE = _IES (exp 73:- - l) —OIRICS (1.66)

Equation 1.65 is similar in form to (1.35) except that leakage currents that were previously
neglected have now been included. This minor difference is significant only at high temper-
atures or very low operating currents. Comparison of (1.65) with (1.35) allows us to identify

Is = arlgs. and it can be shown'® in general that

aplgs = arles = Ig (1.67)

where this expression represents a reciprocity condition. Use of (1.67) in (1.62) and (1.63)
allows the Ebers-Moll equations to be expressed in the general form

v I \%
Ie=1Is{exp—=E —1) = 5 [exp—=X — | (1.62a)
Vr R Vr
1 \% V
IE=——S expﬂ—ﬁ +Is expﬁ—l (1.63a)
oF Vr Vr

This form is often used for computer representation of transistor large-signal behavior.
The effect of leakage currents mentioned above can be further illustrated as follows. In
the forward-active region, from (1.66)

Igs (expVTBf —]) = —Ig—arlcs (1.68)
Substitution of (1.68) in (1.65) gives
Ic = —arlg+Ico (1.69)
where
Ico = Ics(l —ogar) (1.69a)

and I¢g is the collector-base leakage current with the emitter open. Although ¢ is given
theoretically by (1.69a), in practice, surface leakage effects dominate when the collector-base
junction is reverse biased and ¢ is typically several orders of magnitude larger than the value
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given by (1.69a). However, (1.69) is still valid if the appropriate measured value for I¢q is
used. Typical values of Icg are from 1070 to 10712 A at 25°C. and the magnitude doubles
about every 8°C. As a consequence, these leakage terms can become very significant at high
temperatures. For example, consider the base current /5. From Fig. 1.5 this is

Ig = —(Ic + Ir) (1.70)

If I is calculated from (1.69) and substituted in (1.70), the result is

I - I
fpme—TE g E0 (.71
oF oF
But from (1.50)
... (1.72)
1 —afp
and use of (1.72) in (1.71) gives
I I
B o 0 (1.73)
Br oar

Since the two terms in (1.73) have opposite signs, the effect of /¢ is to decrease the magnitude
of the external base current at a given value of collector current.

EXAMPLE

If Ico is 1071° A at 24°C, estimate its value at 120°C.
Assuming that /¢ doubles every 8°C, we have

Ice(120°C) = 10710 x 212
=04 pA

1.3.4 Transistor Breakdown Voltages

In Section 1.2.2 the mechanism of avalanche breakdown in a pn junction was described.
Similar effects occur at the base-emitter and base-collector junctions of a transistor and these
effects limit the maximum voltages that can be applied to the device.

First consider a transistor in the common-base configuration shown in Fig. 1.14a and
supplied with a constant emitter current. Typical ¢ — Vg characteristics for an npn transistor
in such a connection are shown in Fig. 1.14b. For Ig = 0 the collector-base junction breaks
down at a voltage BV pp, which represents collector-base breakdown with the emitter open.
For finite values of /g, the effects of avalanche multiplication are apparent for values of Vg
below BVcpo. In the example shown, the effective common-base current gain op = I¢/Ig
becomes larger than unity for values of Vg above about 60 V. Operation in this region (but
below BVcpp) can, however, be safely undertaken if the device power dissipation is not
excessive. The considerations of Section 1.2.2 apply to this situation, and neglecting leakage
currents, we can calculate the collector current in Fig. 1.14a as

Ic = —aplgM (1.74)
where M is defined by (1.26) and thus
1

(1.75)

V n

1_( CB )
BVcgo

Ic = —arlg
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One further point to note about the common-base characteristics of Fig. 1.14b is that for
low values of Vep where avalanche effects are negligible, the curves show very little of the
Early effect seen in the common-emitter characteristics. Base widening still occurs in this
configuration as Vcp is increasced, but unlike the common-emitter connection, it produces
little change in I¢. This is because /g is now fixed instead of Vgg or I, and in Fig. 1.9, this
means the slope of the minority-carrier concentration at the emitter edge of the base is fixed.
Thus the collector current remains almost unchanged.

Now consider the effect of avalanche breakdown on the common-emitter characteristics
of the device. Typical characteristics are shown in Fig. 1.12. and breakdown occurs at a
value BV, which is sometimes called the sustaining vollage LVcgp. As in previous cases,
operation near the breakdown voltage is destructive to the device only if the current (and thus
the power dissipation) becomes excessive.

The effects of avalanche breakdown on the common-emitter characteristics are more com-
plex than in the common-base configuration. This is because hole-electron pairs are produced
by the avalanche process and the holes are swept into the base, where they effectively con-
tribute to the base current. In a sense, the avalanche current is then amplified by the transistor.
The base current s still given by

Ig = —(Ic + Ig) (1.76)
Equation .74 still holds, and substitution of this in (1.76) gives
Mor
I = I 1.77
ol May B (L77)
where
1
M= (1.78)
f ( Vea )
BVcgo
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Equation 1.77 shows that I approaches infinity as Mo approaches unity. That is, the
effective B approaches infinity because of the additional base-current contribution from the
avalanche process itself. The value of BVgg can be determined by solving

Marp =1 (1.79)

If we assume that Vg =~ Vg, this gives
afF

W = (1.80)
BVcgpo
and this results in
BVeeo _ v oy
BVcpo
and thus
BVcgo ™ B:;CB%O (1.81)

Equation 1.81 shows that BV is less than BV by a substantial factor. However, the value
of BVcpo, which must be used in (1.81), is the plane junction breakdown of the collector-base
junction, neglecting any edge effects. This is because it is only collector-base avalanche current
actually under the emitter that is amplified as described in the previous calculation. However,
as explained in Section 1.2.2. the measured value of BV p( is usually determined by avalanche
in the curved region of the collector, which is remote from the active base. Consequently, for
typical values of Br = 100 and n = 4, the value of BV is about one-half of the measured
BVcpo and not 30 percent as (1.81) would indicate.

Equation 1.81 explains the shape of the breakdown characteristics of Fig. 1.12 if the
dependence of A on collector current is included. As Vg is increased from zero with /g = 0,
the initial collector current is approximately Sr/co from (1.73): since I¢p is typically several
picoamperes, the collector current is very small. As explained in the next section, B is small
at low currents, and thus from (1.81) the breakdown voltage is high. However, as avalanche
breakdown begins in the device, the value of /¢ increases and thus Sr increases. From (1.81)
this causes a decrease in the breakdown voltage and the characteristic bends back as shown in
Fig. 1.12 and exhibits a negative slope. At higher collector currents, S approaches a constant
value and the breakdown curve with 73 = 0 becomes perpendicular to the Vg axis. The value
of Ve in this region of the curve is usually defined to be BV, since this is the maximum
voltage the device can sustain. The value of 8r to be used to calculate BV g in (1.81) is thus
the peak value of Sr. Note from (1.81) that high-£ transistors will thus have low values of
BVcgo.

The base-emitter junction of a transistor is also subject to avalanche breakdown. However,
the doping density in the emitter is made very large to ensure a high value of Sr [Np is made
large in (1.45) to reduce Ipy]. Thus the base is the more lightly doped side of the junction
and determines the breakdown characteristic. This can be contrasted with the collector-base
junction, where the collector is the more lightly doped side and results in typical values of
BVcpo of 20to 80 V or more. The base is typically an order of magnitude more heavily doped
than the collector, and thus the base-emitter breakdown voltage is much less than BVcpp and is
typically about 6 to 8 V. This is designated BVgpp. The breakdown voltage for inverse-active
operation shown in Fig. 1.12 is approximately equal to this value because the base-emitter
junction is reverse biased in this mode of operation.

The base-emitter breakdown voltage of 6 to 8 V provides a convenient reference voltage
in integrated-circuit design, and this is often utilized in the form of a Zener diode. However,
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care must be taken to ensure that all other transistors in a circuit are protected against reverse
base-emitter voltages sufficient to cause breakdown. This is because, unlike collector-base
breakdown, base-emitter breakdown is damaging to the device. It can cause a large degradation
in B, depending on the duration of the breakdown-current flow and its magnitude.!! If the
device is used purely as a Zener diode, this is of no consequence, but if the device is an
amplifying transistor, the Sr degradation may be serious.

EXAMPLE

If the collector doping density in a transistor is 2 x 105 atoms/cm? and is much less than the
base doping, calculate BV for 8= 100 and n = 4. Assume ¢, = 3 x 10° V/iem,
The plane breakdown voltage in the collector can be calculated from (1.24) using

%mux = écril:
€(Ns+ Np)_»
BV, =———""%..
CBO ZqNAND crit
Since Np <« N4, we have
& ob 1.04 x 10712

BVcgolplane = x9x10°V =146V

2 S Seaci ot Sl
2gNp ™ 2% 1.6 x 10719 x 2 x 1015
From (1.81)

146
BVCEO = ﬁv = 46 V

1.3.5 Dependence of Transistor Current Gain 8 on Operating Conditions

Although most first-order analyses of integrated circuits make the assumption that S is con-
stant, this parameter does in fact depend on the operating conditions of the transistor. It was
shown in Section 1.3.2, for example, that increasing the value of V¢g increases /¢ while
producing little change in I, and thus the effective S of the transistor increases. In Section
1.3.4 it was shown that as V¢ approaches the breakdown voltage, BV, the collector cur-
rent increases due to avalanche multiplication in the collector. Equation 1.77 shows that the
effective current gain approaches infinity as Vg approaches BVcEgo.

In addition to the effects just described, r also varies with both temperature and tran-
sistor collector current. This is illustrated in Fig. 1.15, which shows typical curves of Sg
versus Ic at three different temperatures for an npn integrated circuit transistor. It is evident
that Sr increases as temperature increases, and a typical temperature coefficient for Sr is
+7000 ppmn/°C (where ppm signifies parts per million). This temperature dependence of fr
is due 1o the effect of the extremely high doping density in the emitter,'? which causes the
emitter injection efficiency y to increase with temperature.

The variation of S with collector current, which is apparent in Fig. 1.15, can be divided
into three regions. Region I is the low-current region, where S decreases as I decreases.
Region I1 is the midcurrent region, where SF is approximately constant. Region I is the high-
current region, where Br decreases as I¢ increases. The reasons for this behavior of Sr with
I can be better appreciated by plotting base current /3 and collector current /¢ on a log scale
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as a function of Vpg. This is shown in Fig. 1.16, and because of the log scale on the vertical
axis, the value of In SF can be obtained directly as the distance between the two curves.

At moderate current levels represented by region Il in Figs. {.15 and 1.16, both I¢ and Ip
follow the ideal behavior, and

\%
To= Tz oep (1.82)
Vr
I VBE
Ig ™~ ——exp— (1.83)
? Brm P Vr

where fry is the maximum value of BF and is given by (1.48).

At low current levels, /¢ still follows the ideal relationship of (1.82), and the decrease in
B is due to an additional component in /g, which is mainly due to recombination of carriers
in the base-emitter depletion region and is present at any current level. However, at higher
current levels the base current given by (1.83) dominates, and this additional component has

In/
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little effect. The base current resulting from recombination in the depletion region is’

V
ngzlsxexpﬂ (1.84)
mVy

where
m>~2

At very low collector currents, where (1.84) dominates the base current, the current gain can
be calculated from (1.82) and (1.84) as

Ic Is VBE ( 1
~—=—exp— 1|1 —— 1.85
BFL e p Vr = (1.85)
Substitution of (1.82) in (1.85) gives
] ] [1=(1/m)]
BrL ~ —- <—C> (1.86)
Isx \Ig

If m =~ 2, then (1.86) indicates that SF is proportional to /Tc at very low collector currents.

At high current levels, the base current /g tends to follow the relationship of (1.83), and
the decrease in F in region IIl is due mainly to a decrease in /¢ below the value given by
(1.82). (In practice the measured curve of /g versus Vgg in Fig. 1.16 may also deviate from a
straight line at high currents due to the influence of voltage drop across the base resistance.)
The decrease in /¢ is due partly to the effect of high-level injection, and at high current levels
the collector current approaches’

VBE
Je~ 1 1.87
c = Isg exp 2V, (1.87)
The current gain in this region can be calculated from (1.87) and (1.83) as
Isn VBE
~ = - 1.88
Bru I Brum exp ( 2Vr> (1.88)

Substitution of (1.87) in (1.88) gives

Kq 1
Brr = == Brm——
Is Ic
Thus fr decreases rapidly at high collector currents.

In addition to the effect of high-level injection, the value of S al high currents is also
decreased by the onset of the Kirk effect,'* which occurs when the minority-carrier concentra-
tion in the collector becomes comparable to the donor-atom doping density. The basc region
of the transistor then stretches out into the collector and becomes greatly enlarged.

1.4 Small-Signal Models of Bipolar Transistors

Analog circuits often operate with signal levels that are small compared to the bias currents
and voltages in the circuit. In these circumstances, incremental or small-signal models can be
derived that allow calculation of circuit gain and terminal impedances without the necessity
of including the bias quantities. A hierarchy of models with increasing complexity can be
derived, and the more complex ones are generally reserved for computer analysis. Part of the
designer’s skill is knowing which elements of the model can be omitted when performing hand
calculations on a particular circuit, and this point is taken up again later.
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Figure 1.17 Effect of a small-signal input voltage applied to a bipolar transistor. (a) Circuit schematic.
(b) Corresponding changes in carrier concentrations in the base when the device is in the
forward-active region.

Consider the bipolar transistor in Fig. 1.17a with bias voltages Vgr and V¢ applied as
shown. These produce a quiescent collector current, /¢, and aquiescent base current, I, and the
device is in the forward-active region. A small-signal input voltage v; is applied in series with
Vs and produces a small variation in base current i and a small variation in collector current
i.. Total values of base and collector currents are I, and I, respectively, and thus I, = (Ig + ip)
and I, = (Ic + ic). The carrier concentrations in the base of the transistor corresponding to
the situation in Fig. 1.17q are shown in Fig. 1.17b. With only bias voltages applied, the carrier
concentrations are given by the solid lines. Application of the small-signal voltage v; causes
n,(0) at the emitter edge of the base to increase, and produces the concentrations shown by the
dotted lines. These pictures can now be used to derive the various elements in the small-signal
equivalent circuit of the bipolar transistor.

1.4.1 Transconductiance

The transconductance is defined as

dic
= 1.89
8n = qyor (1.89)
Since
Alc = —— AVpg
E
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we can write
Alc = g, AVpE
and thus
fc = gmVi (1.90)
The value of g,, can be found by substituting (1.35) in (1.89) to give

Vee _Is Vee Ic  qlc
Isexp — = —ex = =a—

F
_ Vee _ Ic _ 1.91
dVzE W o e Wk T (3%

8m
The transconductance thus depends linearly on the bias current /¢ and is 38 mA/V for I¢ =
1 mA at 25"C for any bipolar transistor of either polarity (npn or pnp). of any size, and made
of any material (Si, Ge, GaAs).
To illustrate the limitations on the use of small-signal analysis, the foregoing relation will
be derived in an alternative way. The total collector current in Fig. 1.174 can be calculated
using (1.35) as

Ve + vi VBE vy
I(._lsexpT _IgexpTTexpW (1.92)
But the collector bias current is
Var
Ic = Isexp ~2F (1.93)
Vr
and use of (1.93) in (1.92) gives
Vi
I. = Icexp — 1.94
cexp Vr (1.94)
If v; < V7, the exponential in (1.94) can be expanded in a power series,
2 3
Vi 1 \ R 1 Vi
Ir=Ic|l4+—+=-1{— = =] ~fres? 1.95
e[t () e () o
Now the incremental collector current is
io=1.—1I¢c (1.96)
and substitution of (1.96) in (1.95) gives
I 1 1, 11
I B g e it (1.97)

- Vr EV_JZ.Vi 6 V%
It v; « Vr, (1.97) reduces to (1.90), and the small-signal analysis is valid. The criterion
for use of small-signal analysis is thus v; = AVpg & 26 mV at 25°C. In practice, if AVgg is

less than 10 mV, the small-signal analysis is accurate within about 10 percent.

1.4.2 Base-Charging Capacitance

Figure 1.17b shows that the change in base-emitter voltage AVgg = v; has caused a change
A Q. = g, in the minority-carrier charge in the base. By charge-neutrality requirements, there
is an equal change A Qp, = g, in the majority-carrier charge in the base. Since majority carriers
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are supplied by the base lead, the application of voltage v; requires the supply of charge g to
the base, and the device has an apparent input capacitance
_

Vi

Cy (1.98)
The value of Cp, can be related to fundamental device parameters as follows. If (1.39) is divided
by (1.33), we obtain

2

Be_ Wy =15 (1.99)
Ic 2D,

The quantity TF has the dimension of time and is called the base transit time in the forward
direction. Since it is the ratio of the charge in transit (Q,) to the current flow (I¢), it can
be identified as the average time per carrier spent in crossing the base. To a first order it
is independent of operating conditions and has typical values 10 to 500 ps for integrated
npn transistors and 1 to 40 ns for lateral pnp transistors. Practical values of Tz tend to be
somewhat lower than predicted by (1.99) for diffused transistors that have nonuniform base
doping.'* However, the functional dependence on base width W and diffusion constant D,
is as predicted by (1.99).

From (1.99)

AQ,=TrAlc (1.100)
But since AQ, = AQy,, we have
AQp =71rAlc (1.101)
and this can be written
gh = TFic (1.102)
Use of (1.102) in (1.98) gives
Cp =Tp£ (1.103)

and substitution of (1.90) in (1.103) gives

Ch =TF8m (1104)
glc .
=TF— 1.105
TF T ( )

Thus the small-signal, base-charging capacitance is proportional to the collector bias current.

In the inverse-active mode of operation, an equation similar to (1.99) relates stored charge
and current via a time constant Tg. This is typically orders of magnitude larger than 7 because
the device structure and doping are optimized for operation in the forward-active region.
Since the saturation region is a combination of forward-active and inverse-active operation,
inclusion of the parameter T in 2 SPICE listing will model the large charge storage that occurs
in saturation.

1.4.3 Input Resistance
In the forward-active region, the base current is related to the collector current by

Ic

- 147
Br (1.47)

Ip
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Small changes in /p and /¢ can be related using (1.47):

d [Ic
Alp=— 1| — | Al 1.106
B= dle (ﬂF) = : :
and thus
Alc i d I =l
= =—=|—|[—= 1.107
bo Alg iy Lilc (ﬂFH ( ?

where fq is the small-signal current gain of the transistor. Note that if Sf is constant, then
Br = Bo- Typical values of By are close to those of SF, and in subsequent chapters little
differentiation is made between these quantities. A single value of f is often assumed for a
transistor and then used for both ac and dc calculations.

Equation 1.107 relates the change in base current i) to the corresponding change in
collector current /.., and the device has a small-signal input resistance given by

Vi

Fn= — (1.108)
1p
Substitution of (1.107) in (1.108) gives
rm = ‘.’—iﬁo (1.109)
le
and use of (1.90) in (1.109) gives
ra= ﬁ (1.110)
Em

Thus the small-signal input shunt resistance of a bipolar transistor depends on the current gain
and is inversely proportional to /¢.

1.4.4 Output Resistance

In Section 1.3.2 the effect of changes in collector-emitter véltage Vg on the large-signal
characteristics of the transistor was described. It follows from that treatment that small changes
AVer in Vg produce corresponding changes Al in I, where

UL (1.111)
€= Jyep S VeE 1]
Substitution of (1.55) and (1.57) in (1.111) gives
AV, \%
L (1.112)
Alc Ic )

where V4 is the Early voltage and r, is the small-signal output resistance of the transistor.
Since typical values of V4 are 50 to 100 V, corresponding values of r, are 50 to 100 k2 for
Ic = 1mA. Note that r, is inversely proportional to /¢, and thus r, can be related to gy, as
are many of the other small-signal parameters.

i

= (1.113)
N8m
where
kT
== (1.114)
gVa
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Figure 1.18 Basic bipolar transistor
small-signal equivalent circuit.

If Vi = 100V, then 5 = 2.6 x 10~* at 25°C. Note that 1 /r, is the slope of the output char-
acteristics of Fig. 1.10.

1.4.5 Basic Small-Signal Model of the Bipolar Transistor

Combination of the above small-signal circuit elements yields the small-signal model of the
bipolar transistor shown in Fig. 1.18. This is valid for both npn and pnp devices in the forward-
active region and is called the /iybrid-m model. Collector, base, and emitter nodes are labeled
C, B and E, respectively. The elements in this circuit are present in the equivalent circuit of
any bipolar transistor and are specified by relatively few parameters (B, 7r. 15, Ic). Note that
in the evaluation of the small-signal parameters for pnp transistors, the magnitude only of
I¢ is used. In the following sections, further elements are added to this model to account for
parasitics and second-order effects.

1.4.6 Collector-Base Resistance

Consider the effect of variations in Vg on the minority charge in the base as illustrated
in Fig. 1.9. An increase in Vi causes an increase in the collector depletion-layer width and
consequent reduction of base width. This causes a reduction in the total minority-carrier charge
stored in the base and thus a reduction in base current /p due to a reduction in /g given by
(1.40). Since an increase A Vg in Vo causes a decrease Alg in Iy, this effect can be modeled
by inclusion of a resistor r,, from collector to base of the model of Fig. 1.18.If Vg is assumed
held constant, the value of this resistor can be determined as follows.

_ AVcg _ AVeg Al

-, = = 1.115
8= Alg | Ale Alg (1112
Substitution of (1.112) in (1.115) gives
Ale
= 1.116
n 'OAIB] ( )

If the base current /g is composed entirely of component /g, then (1.107) can be used in
(1.116) to give

ry = Pory, (1.117)

This is a lower limit for r,,. In practice, /p; is typically less than 10 percent of /g [component
Ip; from (1.42) dominates] in integrated npn transistors, and since g is very small, the change
Alpyin I foragiven AVeg and Al is also very small. Thus a typical value for r, is greater
than 108yr,. For lateral pnp transistors, recombination in the base is more significant, and r;,
is in the range 281, 10 58or,.
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1.4.7 Parasitic Elements in the Smaill-Signal Model

The elements of the bipolar transistor small-signal equivalent circuit considered so far may be
considered basic in the sense that they arise directly from essential processes in the device.
However, technological limitations in the fabrication of transistors give rise to a number of
parasitic elements that must be added to the equivalent circuit for most integrated-circuit
transistors. A cross section of a typical npn transistor in a junction-isolated process is shown
in Fig. 1.19. The means of fabricating such devices is described in Chapter 2.

As described in Section 1.2, all pn junctions have a voltage-dependent capacitance asso-
ciated with the depletion region. In the cross section of Fig. 1.19, three depletion-region
capacitances can be identified. The base-emitter junction has a depletion-region capacitance
Cj. and the base-collector and collector-substrate junctions have capacitances C;, and C,
respectively. The base-emitter junction closely approximates an abrupt junction due to the
steep rise of the doping density caused by the heavy doping in the emitter. Thus the variation
of C;. with bias voltage is well approximated by (1.21). The collector-base junction behaves
like a graded junction for small bias voltages since the doping density is a function of dis-
tance near the junction. However, for larger reverse-bias values (more than about a volt), the
junction depletion region spreads into the collector, which is uniformly doped, and thus for
devices with thick collectors the junction tends to behave like an abrupt junction with uniform
doping. Many modern high-speed processes, however, have very thin collector regions (of the
order of one micron), and the collector depletion region can extend all the way to the buried
layer for quite small reverse-bias voltages. When this occurs, both the depletion region and
the associated capacitance vary quite slowly with bias voltage. The collector-base capacitance
C, thus tends to follow (1.22) for very small bias voltages and (1.21) for large bias voltages
in thick-collector devices. In practice, measurements show that the variation of C,, with bias
voltage for most devices can be approximated by

Cuo

where V is the forward bias on the junction and # is an exponent between about 0.2 and 0.5. The
third parasitic capacitance in a monolithic npn (ransistor is the colleclor-substrate capacilance

Cy = (1.117a)

Collector T Base T Emitter

K

nj 1 Injected electron
~ motion
A Buried layer @/.

@ Substrate

Figure 1.19 Integrated-circuit npn bipolar transistor structure showing parasitic elements. (Not
to scale.)
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C,s, and for large reverse bias voltages this varies according to the abrupt junction equation
(1.21) for junction-isolated devices. In the case of oxide-isolated devices, however, the deep
p diffusions used to isolate the devices are replaced by oxide. The sidewall component of
C., then consists of a fixed oxide capacitance. Equation 1.117a may then be used to model
C.s, but a value of n less than 0.5 gives the best approximation. In general, (1.117a) will be
used to model all three parasitic capacitances with subscripts e, ¢, and s on n and o used
to differentiate emitter-base, collector-base, and collector-substrate capacitances, respectively.
Typical zero-bias values of these parasitic capacitances for a minimum-size npn transistor in
a modern oxide-isolated process are C 0 =~ 10 fF, C;;0 >~ 10 {F, and C¢s0 =~ 20 fF. Values for
other devices are summarized in Chapter 2.

As described in Chapter 2, lateral pnp transistors have a parasitic capacitance Cpy from
base to substrate in place of C,,. Note that the substrate is always connected to the most
negative voltage supply in the circuit in order to ensure that all isolation regions are separated
by reverse-biased junctions. Thus the substrate is an ac ground, and all parasitic capacitance
to the substrate is connected to ground in an equivalent circuit.

The final elements to be added to the small-signal model of the transistor are resistive
parasitics. These are produced by the finite resistance of the silicon between the top contacts
on the transistor and the active base region beneath the emitter. As shown in Fig. 1.19, there
are significant resistances rp, and r. in series with the base and collector contacts, respectively.
There is also a resistance r,, of several ohms in series with the emitter lead that can become
important at high bias currents. (Note that the collector resistance r, is actually composed of
three parts labeled r.1, r¢2, and r.3.) Typical values of these parameters are rj, = 50 to 500 €2,
rex = 1103, and r. = 20to 500 $2. The value of r;, varies significantly with collector current
because of current crowding.!® This occurs at high collector currents where the dc base current
produces a lateral voltage drop in the base that tends to forward bias the base-emitter junction
preferentially around the edges of the emitter. Thus the transistor action tends to occur along
the emitter periphery rather than under the emitter itself, and the distance from the base contact
to the active base region is reduced. Consequently, the value of ry, is reduced, and in a typical
npn transistor, r, may decrease 50 percent as /¢ increases from 0.1 mA to 10 mA.

The value of these parasitic resistances can be reduced by changes in the device structure.
For example, a large-area transistor with multiple base and emitter stripes will have a smaller
value of rp. The value of r. is reduced by inclusion of the low-resistance buried n™ layer
beneath the collector.

The addition of the resistive and capacitive parasitics to the basic small-signal circuit of
Fig. 1.18 gives the complete small-signal equivalent circuit of Fig. 1.20. The internal base node

c

Cﬁ —I— rﬁ% Ly St !

Bo Wv _L r . —L j ;a .-,r'a 5
1

E

Figure 1.20 Complete bipolar transistor small-signal equivalent circuit.
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is labeled B’ to distinguish it from the external base contact B. The capacitance C,; contains
the base-charging capacitance Cp and the emitter-base depletion layer capacitance C,.

Crn=Ch+Cje (1.118)

Note that the representation of parasitics in Fig. 1.20 is an approximation in that lumped
elements have been used. In practice, as suggested by Fig. 1.19, C,, is distributed across ry
and C,, is distributed across r... This lumped representation is adequate for most purposes but
can introduce errors at very high frequencies. It should also be noted that while the parasitic
resistances of Fig. 1.20 can be very important at high bias currents or for high-frequency
operation, they are usually omitted from the equivalent circuit for low-frequency calculations,
particularly for collector bias currents less than 1 mA.

EXAMPLE

Derive the complete small-signal equivalent circuit for a bipolar transistor at /¢ = 1 mA.
Vep = 3V,and Veg = 5 V. Device parameters are C 0 = 10fF, n, = 0.5, 19, = 0.9V.C )0 =
10 fF, n, = 0.3, Y. = 0.5V, Cr50 = 20 {F, ny = 0.3, ¥; = 0.65 V, o = 100, Tr= 10 ps,
Va=20V,r, =300,r. =50 .71,y =5 2,7, =10 Sor,.

Since the base-emitter junction is forward biased, the value of Cj, is difficult to determine
for reasons described in Section 1.2.1. Either a value can be determined by computer or a
reasonable estimation is to double C 9. Using the latter approach, we estimate

Cje = 20fF
Using (1.117a) gives, for the collector-base capacitance,

Cuo _ 10
VeV 0.3
<1 -~ CB) 1+ i
71001: 0.5

The collector-substrate capacitance can also be calculated using (1.117a)

C. = =5.6fF

C 20
By = L T o5 =105 F

Ves Y S5
Pl e e
( " m) (l % 0.65)

From (1.91) the transconductance is

_gqlc _ 107?

Em = T == 726 x IO_EAN =38 mA/V

From (1.104) the base-charging capacitance is
Cp=Trgm =10x 107'2 x 38 x 1072 F = 0.38 pF
The value of C from (1.118) is

Cx = 0.38 4+ 0.02 pF = 0.4 pF
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Figure 1.21 Complete small-signal equivalent circuit for a bipolar transistor at Ic = | mA, Veg =3V,
and Veg = 5 V. Device parameters arc Cjo = 10 fF, n, = 0.5, ¥, = 0.9V, Cyo = 10 fF, n, = 0.3,
Yo, = 0.5V, Coyp = 20 fF, n; = 0.3, s = 0.65 V, flp = 100, 7,= 10 ps, V, = 20V, r, = 300%2.
r. =50, r, =5Q.r, = 108prs.

The input resistance from (1.110) is

r,,:@:100x26§2=2.6k9

Em
The output resistance from (1.112) is

20

1'0:]()—_39:201(9

and thus the collector-base resistance is
ry = 108pr, = 10 x 100 x 20kQ = 20 MQ

The equivalent circuit with these parameter values is shown in Fig. 1.21.

1.4.8 Specification of Transistor Frequency Response

The high-frequency gain of the transistor is controlled by the capacitive elements in the equiv-
alent circuit of Fig. 1.20. The frequency capability of the transistor is most often specified
in practice by determining the frequency where the magnitude of the short-circuit, common-
emitter current gain falls to unity. This is called the transition frequency, fr.and is a measure of
the maximum useful frequency of the transistor when it is used as an amplifier. The value of fr
can be measured as well as calculated, using the ac circuit of Fig. 1.22. A small-signal current
i; is applied to the base, and the output current 7, is measured with the collector short-circuited
for ac signals. A small-signal equivalent circuit can be formed for this situation by using the
equivalent circuit of Fig. 1.20 as shown in Fig. 1.23, where r,., and r;, have been neglected. If
¥ is assumed small, then r, and C,; have no influence, and we have

'n

¥ g (1.119)
1 + rﬂ(cﬂ + Cu)s
If the current fed forward through C), is neglected,
ip >~ EmV1 (]]20)
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*

Figure 1.22 Schematic of ac circuit for measurement of fr.

—— D

Figure 1.23 Small-signal equivalent circuit for the calculation of f7.

Substitution of (1.119) in (1.120) gives

s Smln

i =
1+ FCr+ Cs

e

and thus
o . ﬂ()

.—(}w)=—

.- Cr+C

E 1+ fo—— jw
glll

(1.121)

using (1.110).
Now if i,/{;(jw) is written as S( jw) (the high-frequency, small-signal current gain), then

Bo
C C
1+ fo ij
8m

At high frequencies the imaginary part of the denominator of (1.122) is dominant, and we can
write

pljo) = (1.122)

Em

jw) ~ ——— 1.123
Bljw) jo (Cr + C) ( )
From (1.123), | 8(jw)| = 1 when
m
w=wr= = 1.124
Tt Cy BhAER
and thus
] gl"
e = 1.125
1= 2:¢C.+Cy (1.125)

The transistor behavior can be illustrated by plotting |8(jw)| using (1.122) as shown in
Fig. 1.24. The frequency wg is defined as the frequency where |8(jw)| is equal to Bo/~/2
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1000} 5
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’ i i gain | 8(jw)| versus
fr;;,- 0A1|m i PN w log scale  frequency for a typical
bipolar transistor.

(3 dB down from the low-frequency value). From (1.122) we have

1 Em ar

= et o (1.126)
PoCat+Cu  fo

wp

From Fig. 1.24 it can be seen that w7 can be determined by measuring | 8( jw)| at some frequency
w, where |f( jw)| is falling at 6 dB/octave and using

wr = wy|f(jws)| (1.127)

This is the method used in practice, since deviations from ideal behavior tend to occur as
| B jw)| approaches unity. Thus |B(jw)| is typically measured at some frequency where its
magnitude is about 5 or 10, and (1.127) is used to determine wr.

It is interesting to examine the time constant. 77, associated with wr. This is defined as

1
= — (1.128)
wr

and use of (1.124) in (1.128) gives

G
g"] gl”

= (1.129)

Substitution of (1.118) and (1.104) in (1.129) gives

Gh G 6 Cip  C
= S R e H
g’” gl" g"l g"l g’"

(1.130)

Equation 1.130 indicates that 77 is dependent on I¢ (through g,,) and approaches a constant
value of T at high collector bias currents. At low values of /¢, the terms involving Cj, and
C, dominate, and they cause 77 to rise and fr to fall as Ic is decreased. This behavior is
illustrated in Fig. 1.25, which is a typical plot of fr versus I for an integrated-circuit npn
transistor. The decline in fr at high collector currents is not predicted by this simple theory
and is due to an increase in T caused by high-level injection and Kirk effect at high currents.
These are the same mechanisms that cause a decrease in Sr at high currents as described in
Section 1.3.5.
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Figure 1.25 Typical curve of f7 versus
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EXAMPLE

A bipolar transistor has a short-circuit, common-emitter current gain at | GHz of 8 with
Ic = 0.25mAand 9 with Ic = 1 mA. Assuming that high-level injection effects are negligible,
calculate C}, and TF, assuming both are constant. The measured value of C, is 10 fF.

From the data, values of fr are

fri=8x1=8GHz at I-=025mA
fr2=9x1=9GHz at Ic=1mA

Corresponding values of 77 are

1
o £ =19.9ps
' T onfn L

1
T = Antrs =177 ps

Using these data in (1.130), we have
19.9 x 107" = 75 +104(Cy + Cje) (1.131)
at Ic = 0.25 mA. At Ic = |1 mA we have
177 x 107" 2 = 1p +26(Cy + Cje) (1.132)
Subtraction of (1.132) from (1.131) yields
Cy+Cj, =2821fF
Since C,, was measured as 10 fF, the value of Cj, is given by

Cje ~ 182 1F
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Substitution in (1.131) gives
7r =17 ps

This is an example of how basic device parameters can be determined from high-frequency
current-gain measurements. Note that the assumption that Cj, is constant is a useful approxi-
mation in practice because Vpg changes by only 36 mV as /¢ increases from 0.25 mA to 1 mA.

1.5 Large-Signal Behavior of Metal-Oxide-Semiconductor
Field-Effect Transistors

Metal-oxide-semiconductor field-effect transistors (MOSFETs) have become dominant in the
area of digital integrated circuits because they allow high density and low power dissipation.
In contrast, bipolar transistors still provide many advantages in stand-alone analog integrated
circuits. For example, the transconductance per unit bias current in bipolar transistors is usually
much higher than in MOS transistors. So in sysiems where analog techniques are used on some
integrated circuits and digital techniques on others, bipolar technologies are often preferred
for the analog integrated circuits and MOS technologies for the digital. To reduce system
cost and increase portability, both increased levels of integration and reduced power dissipa-
tion are required, forcing the associated analog circuits to use MOS-compatible technologies.
One way to achieve these goals is to use a processing technology that provides both bipolar
and MOS transistors, allowing great design flexibility. However, all-MOS processes are less
expensive than combined bipolar and MOS processes. Therefore, economic considerations
drive integrated-circuit manufacturers to use all-MOS processes in many practical cases. As a
result, the study of the characteristics of MOS transistors that affect analog integrated-circuit
design is important.

1.5.1 Transfer Characteristics of MOS Devices

A cross section of a typical enhancement-mode n-channel MOS (NMOS) transistor is shown
in Fig. 1.26. Heavily doped n-type source and drain regions are fabricated in a p-type substrate
(often called the body). A thin layer of silicon dioxide is grown over the substrate material and

Metal or poly silicon
gate contract

Si0, SOUSm g Sio,, P _/SiOz
m \T vz

Gate, Drain,

T | C TSI FS e T TTTTTS
n+ n+
Channel

region

p-type substrate (body)

l

B

Figure 1.26 Typical enhancement-mode NMOS structure.
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Current Mirrors, Active
Loads, and References

4.1 Introduction

Current mirrors made by using active devices have come to be widely used in analog integrated
circuits both as biasing elements and as load devices for amplifier stages. The use of current
mirrors in biasing can result in superior insensitivity of circuit performance to vartations in
power supply and temperature. Current mirrors are frequently more economical than resistors
in terms of the die area required to provide bias current of a certain value, particularly when the
required value of bias current is small. When used as a load element in transistor amplifiers,
the high incremental resistance of the current mirror results in high voltage gain at low power-
supply voltages.

The first section of this chapter describes the general properties of current mirrors and
compares various bipolar and MOS mirrors to each other using these properties. The next
section deals with the use of current mirrors as load elements in amplifier stages. The last section
shows how current mirrors are used to construct references that are insensitive to variations in
supply and temperature. Finally, the appendix analyzes the effects of device mismatch.

4.2 Current Mirrors
4.2.1 General Properties

A current mirror is an element with at least three terminals, as shown in Fig. 4.1. The common
terminal is connected to a power supply, and the input current source is connected to the input
terminal. Ideally, the output current is equal to the input current multiplied by a desired current
gain. If the gain is unity, the input current is reflected to the output, leading to the name current
mirror. Under ideal conditions, the current-mirror gain is independent of input frequency, and
the output current is independent of the voltage between the output and common terminals.
Furthermore, the voltage between the input and common terminals is ideally zero because this
condition allows the entire supply voltage to appear across the input current source, simplifying
its transistor-level design. More than one input and/or output terminals are sometimes used.

In practice, real transistor-level current mirrors suffer many deviations from this ideal
behavior. For example, the gain of a real current mirror is never independent of the input
frequency. The topic of frequency response is covered in Chapter 7, and mainly dc and low-
frequency ac signals are considered in the rest of this chapter. Deviations from ideality that
will be considered in this chapter are listed below.

1. One of the most important deviations from ideality is the variation of the current-mirror
output current with changes in voltage at the output terminal. This effect is characterized
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by the small-signal output resistance, R, of the current mirror. A Norton-equivalent model
of the output of the current mirror includes R, in parallel with a current source controlled
by the input current. The output resistance directly affects the performance of many circuits
that use current mirrors. For example, the common-mode rejection ratio of the differential
amplifier depends directly on this resistance, as does the gain of the active-load circuits.
Increasing the output resistance reduces the dependence of the output current on the output
voltage and is therefore desirable. Generally speaking, the output resistance increases in
practical circuits when the output current decreases. Unfortunately, decreasing the output
current also decreases the maximum operating speed. Therefore, when comparing the output
resistance of two current mirrors, they should be compared at identical output currents.

2. Another important error source is the gain error, which is the deviation of the gain of

a current mirror from its ideal value. The gain error is separated into two parts: (1) the
systeratic gain error and (2) the random gain error. The systematic gain error, ¢, is the
gain error that arises even when all matched elements in the mirror are perfectly matched
and will be calculated for each of the current mirrors presented in this section. The random
gain error is the gain error caused by unintended mismatches between matched elements.

. When the input current source is connected to the input terminal of a real current mirror,

it creates a positive voltage drop, Vin, that reduces the voltage available across the input
current source. Minimizing Vin is important because it simplifies the design of the input
current source, especially in low-supply applications. To reduce Vin, current mirrors
sometimes have more than one input terminal. In that case, we will calculate an input
voltage for each input terminal. An example is the MOS high-swing cascode current mirror
considered in Section 4.2.5.
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4. A positive output voltage, Vour, is required in practice to make the output current
depend mainly on the input current. This characteristic is summarized by the minimum
voltage across the output branch, VouT(min), that allows the output device(s) to operate
in the active region. Minimizing VouTminy maximizes the range of output voltages for
which the current-mirror output resistance is almost constant, which is important in
applications where current mirrors are used as active loads in amplifiers (especially with
low power-supply voltages). This topic is covered in Section 4.3. When current mirrors
have more than one output terminal, each output must be biased above its Vout(min) t0
make the corresponding output current depend mainly on the input current.

In later sections, the performance of various current mirrors will be compared to each other
through these four parameters: R,, €, Vin, and VouT(min)-

4.2.2 Simple Current Mirror

4.2.2.1 Bipolar

The simplest form of a current mirror consists of two transistors. Fig. 4.2 shows a bipolar
version of this mirror. Transistor Q; is diode connected, forcing its collector-base voltage
to zero. In this mode. the collector-base junction is off in the sense that no injection takes
place there, and Q operates in the forward-active region. Assume that Q> also operates in the
forward-active region and that both transistors have infinite output resistance. Then /oyt is
controlled by Vg, which is equal to Vg by KVL. A KVL equation is at the heart of the
operation of all current mirrors. Neglecting junction leakage currents,

I 1
Vper = Vrin o Veer = Vrln ul. 4.1)
Isz Is
where V5 = kT/q is the thermal voltage and Js; and /- are the transistor saturation currents.
From (4.1),
Is> .
Ico = —=Ic (4.2)
Is)

If the transistors are identical, I's) = I3 and (4.2) shows that the current flowing in the collector
of Q) is mirrored to the collector of @>. KCL at the collector of Q) yields

Iev  Iex

w—1Ic1 — -'BfF' = br 0 (4.3)
ot
Iy C) 7
Tour=Ic2 * *

* Ieq ‘

% 91)14+K<;2 Vour

- Ip1 Igo

= .L = Figure 4.2 A simple bipolar current

= mirror.
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Therefore, with identical transistors,
N
Iour=Ica=Ic1 = - 7 (4.4)

14—
Ar

If Br is large, the base currents are small and
Tour =Ic1 = IN (4.5)

Thus for identical devices Q) and Q;, the gain of the current mirror is approximately unity.
This result holds for both dc and low-frequency ac currents. Above the 3-dB frequency of
the mirror, however, the base current increases noticeably because the impedance of the base-
emitter capacitance decreases, reducing the gain of the current mirror. Frequency response is
studied in Chapter 7. The rest of this section considers dc currents only.

In practice, the devices need not be identical. Then from (4.2) and (4.3),

Isa Iz 1
1 = 2l = 2w )| — 4.6
= Iy &l (ls] ll\) 1+ L+ (Is2/1s1) ztd

BF

When Is; = Igy, (4.6) is the same as (4.4). Since the saturation current of a bipolar transistor is
proportional to its emitter area, the first term in (4.6) shows that the gain of the current mirror
can be larger or smaller than unity because the emitter areas can be ratioed. If the desired
current-mirror gain is a rational number, M /N, the area ratio is usually set by connecting M
identical devices called units in parallel to form Q; and N units in parallel to form Q; to
minimize mismatch arising from lithographic effects in forming the emitter regions. However,
area ratios greater than about five to one consume a large die arca dominated by the area of the
larger of the two devices. Thus other methods described in later sections are preferred for the
generation of large current ratios. The last term in (4.6) accounts for error introduced by finite
Br. Increasing Iy /15| increases the magnitude of this error by increasing the base current of
Q> compared to that of Q.

In writing (4.1) and (4.2), we assumed that the collector currents of the transistors are
independent of their collector-emitter voltages. If a transistor is biased in the forward-active
region, its collector current actually increases slowly with increasing collector-emitter voltage.
Fig. 4.3 shows an output characteristic for Q». The output resistance of the current mirror at
any given operating point is the reciprocal of the slope of the output characteristic at that point.
In the forward-active region.

Va
Ro=rpp=— 4.7
Ie2
Ioyt =12
Vaee = Ver
Isp
22, L
Iy [ :
T |
== 1
= : Vour =V,
v, Vet out = Ve

Figure 4.3 npn output characteristic.
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The point where Veps = Vg and Vges = Vg is labeled on the characteristic. Because
the collector current is controlled by the base-emitter and collector-emitter voltages, Ic2 =
(Isa/Is1)Ic) at this point. If the slope of the characteristic in saturation is constant, the vari-
ation in I¢2 for changes in Vga can be predicted by a straight line that goes through the
labeled point. As described in Chapter 1, extrapolation of the output characteristic in the
forward-active region back to the Vg axis gives an intercept at — V4, where Vg4 is the Early
voltage. If V4 > Vg, the slope of the straight line is about equal to (Is2/Is))(Ic1/Va).
Therefore,

Iso ( Veer — Ve )
P 1+
Vegr— Vet N _ st \  Va
V, 4 1+ (Is2/1s1)
BF

Since the ideal gain of the current mirror is I52/ 7|, the systematic gain error, €, of the current
mirror can be calculated from (4.8).

)
Ioyt = ~I§: Ic (1 + (4.8)
51

1

|, Ver = Ve
ey Va | _y Ye;r—Ver _ 1+ Us/ls) 49)
1+ Us2/1s1) 7 BF '
+
Br

The first term in (4.9) stems from finite output resistance and the second term from finite S¢. If
Veea > Vekr, the polarities of the two terms are opposite. Since the two terms are independent,
however, cancellation is unlikely in practice. The first term dominates when the difference in
the collector-emitter voltages and S are large. For example, with identical transistors and
Va = 130 V, if the collector-emitter voltage of Oy is held at Vgg(ony, and if the collector-
emitter voltage of Q1 is 30 V, then the systematic gain error (30 — 0.6)/130 — 2/200 >~ 0.22.
Thus for a circuit operating at a power-supply voltage of 30V, the current-mirror currents can
differ by more than 20 percent from those values calculated by assuming that the transistor
output resistance and S are infinite. Although the first term in (4.9) stems from finite output
resistance, it does not depend on r,> directly but instead on the collector-emitter and Early
voltages. The Early voltage is independent of the bias current, and

VIN = Verr = Vel = VeE(on) (4.10)

Since VpE(on) is proportional {o the natural logarithm of the collector current, Vi changes
little with changes in bias current. Therefore, changing the bias current in a current mirror
changes systematic gain error mainly through changes in Vcga.

Finally, the minimum output voltage required to keep Q> in the forward-active region is

VouTumin) = VeE2san (4.11)

4.2.2.2 MOS

Figure 4.4 shows an MOS version of the simple current mirror. The drain-gate voltage of
M, is czero; therefore, the channel does not exist at the drain, and the transistor operates in
the saturation or active region if the threshold is positive. Although the principle of operation
for MOS transistors does not involve forward biasing any diodes, M, is said to be diode
connected in an analogy to the bipolar case. Assume that M- also operates in the active region
and that both transistors have infinite output resistance. Then 7p; is controlled by V52, which
is equal to Vg1 by KVL. AKVL equation is at the heart of the operation of all current mirrors.
As described in Section 1.5.3, the gate-source voltage of a given MOS transistor is usually
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separated into two parts: the threshold V; and the overdrive V,,,. Assuming square-faw behavior
as in (1.157), the overdrive for M is

| 2Ipy

(4.12)

Viavz, = Vi — V=] —
ov2 (£47) f \ K(W/L)

Since the transconductance parameter &’ is proportional to mobility, and since mobility [alls
with increasing temperature, the overdrive rises with temperature. In contrast, Section 1.5.4
shows that the threshold falls with increasing temperature. From KVL and (1.157),

Voss = Vit y |22 _, —v+"':21”l (4.13)
G2 = Vi \ KWLy, — Gs1 =V, \ ¥ (W/L), A
Equation 4.13 shows that the overdrive of M, is equal to that of M;.
Vorz = Vor1 = Vi (4.14)

If the transistors are identical, (W/L), = (W/L),, and therefore
Iout = Ip2 = Ip) (4.15)

Equation 4.15 shows that the current that flows in the drain of M, is mirrored to the drain of
M5>. Since Br — oc for MOS transistors, (4.15) and KCL at the drain of M, yield

Iout = Ip1 = Iin (4.16)

Thus for identical devices operating in the active region with infinite output resistance, the
gain of the current mirror is unity. This result holds when the gate currents are zero; that is,
(4.16) is at least approximately correct for dc and low-frequency ac currents. As the input
frequency increases, however, the gate currents of M; and M increase because each transistor
has a nonzero gate-source capacitance. The part of the input current that flows into the gate
leads does not flow into the drain of M| and is not mirrored to M»; therefore, the gain of the’
current mirror decreases as the frequency of the input current increases. The rest of this section
considers dc currents only.
In practice, the devices need not be identical. Then from (4.13) and (4.16),

_Wilyn,  (WL),

= WD P = iy, ™ 1)

Tout
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Equation 4.17 shows that the gain of the current mirror can be larger or smaller than unity
because the transistor sizes can be ratioed. To ratio the transistor sizes, either the widths or the
lengths can be made unequal in principle. In practice, however, the lengths of M and M> are
rarely made unequal. The lengths that enter into (4.17) are the effective channel lengths given
by (2.35). Equation 2.35 shows that the effective channel length of a given transistor differs
from its drawn length by offset terms stemming from the depletion region at the drain and lateral
diffusion at the drain and source. Since the offset terms are independent of the drawn length,
a ratio of two effective channel lengths is equal to the drawn ratio only if the drawn lengths
are identical. As a result, a ratio of unequal channel lengths depends on process parameters
that may not be well controlled in practice. Similarly, Section 2.9.1 shows that the effective
width of a given transistor differs from the drawn width because of lateral oxidation resulting
in a bird's beak. Therefore, a ratio of unequal channel widths will also be process dependent.
In many applications, however, the shortest channel length allowed in a given technology
is selected for most transistors to maximize speed and minimize area. In contrast, the drawn
channel widths are usually many times larger than the minimum dimensions allowed in a given
technology. Therefore, to minimize the effect of the offset terms when the current-mirror gain
is designed to differ from unity, the widths are ratioed rather than the lengths in most practical
cases. If the desired current-mirror gain is a rational number, M/N. the ratio is usually set by
connecting M identical devices called units in parallel to form M> and N units in parallel to
form M) to minimize mismatch arising from lithographic effects in forming the gate regions.
As in the bipolar case, ratios greater than about five to one consume a large die area dominated
by the area of the larger of the two devices. Thus other methods described in later sections are
preferred for the generation of large current ratios.

In writing (4.13) and (4.15), we assumed that the drain currents of the transistors are
independent of their drain-source voltages. If a transistor is biased in the active region, its drain
current actually increases slowly with increasing drain-source voltage. Figure 4.5 shows an
output characteristic for M>. The output resistance of the current mirror at any given operating
point is the reciprocal of the slope of the output characteristic at that point. In the active region,
Romram VAo L 18

Ipy  Alp
The point where Vpsy = Vps1 and Vgs2 = Vs is labeled on the characteristic. Because
the drain current is controlled by the gate-source and drain-source voltages, I =
[(W/L)2/(W/LW]1Ip at this point. If the slope of the characteristic in saturation is constant,
the variation in /> for changes in Vpg2 can be predicted by a straight line that goes through the

Tout = Ip2

(WIL), T Visz = Vst

(WiLy, ! i
1
1
1
1
? Vout = Vos2

Vst

Figure 4.5 Output characteristic of simple MOS current mirror.
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labeled point. As described in Chapter 1, extrapolation of the output characteristic in the active
region back to the Vpg» axis gives an intercept at —V4 = —1 /A, where V4 is the Early volt-
age. If V4 > Vpgi. the slope of the straight line is about equal to [(W/L)>/(W/L)11l/p1/Va]l-
Therefore,

Iour = 4.19)

(W/L)] Va

Since the ideal gain of the current mirror is (W/L),/(W/L),, the systematic gain error, €, of
the current mirror can be calculated from (4.19).

(W/L)zl (] VDSZ—VDSI)
- ¥bs2 — VDsi

e Vps: — Vpsi
Va
For example, if the drain-source voltage of M is held at 1.2 V, and if the drain-source voltage
of M, is 5V, then the systematic gain erroris (5 — 1.2)/10 ~ 0.38 with V4 = 10 V. Thus for a
circuit operating at a power-supply voltage of 5V, the current-mirror currents can differ by more
than 35 percent from those values calculated by assuming that the transistor output resistance
is infinite. Although e stems from finite output resistance, it does not depend on r,2 directly
but instead on the drain-source and Early voltages. Since the Early voltage is independent of
the bias current, this observation shows that changing the input bias current in a current mirror
changes systematic gain error mainly through changes to the drain-source voltages.
For the simple MOS current mirror, the input voltage is

VIN=Vgs1 = Vi + Vou1 = Vi + Vp 4.21)

With square-law behavior, the overdrive in (4.21) is proportional to the square root of the input
current. In contrast, (4.10) shows that the entire VjN in a simple bipolar mirror is proportional
to the natural logarithm of the input current. Therefore, for a given change in the input current,
the variation in Viy in a simple MOS current mirror is generally larger than in its bipolar
counterpart.

Finally, the minimum output voltage required to keep M, in the active region is

(4.20)

| 2our
VOL'T(min) =Vaz=Vp = \ (4.22)

| kK'(W/L),
Equation 4.22 predicts that Vout(miny depends on the transistor geometry and can be made
arbitrarily small in a simple MOS mirror, unlike in the bipolar case. However, if the overdrive
predicted by (4.22) is less than 2n Vr, where 1 is defined in (1.247) and V7 is a thermal voltage,
the result is invalid except to indicate that the transistors operate in weak inversion. At room
temperature with n = 1.5, 2nVy =~ 78 mV. If the transistors operate in weak inversion,

VouTumin) = 3Vr (4.23)

as shown in Fig. 1.43.!

4.2.3 Simple Current Mirror with Beta Helper

4.2.3.1 Bipolar

In addition to the variation in output current due to finite output resistance, the second term in
(4.9) shows that the collector current /¢ differs from the input current because of finite Sr.
To reduce this source of error, an additional transistor can be added, as shown in Fig. 4.6. If
Q1 and Q3 are identical, the emitter current of transistor Q> is

I 1 9
ey (4.24)



Page 62 of 90

4.2 Current Mirrors 259
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where Ig, Ic, and I are defined as positive when flowing into the transistor, and where we
have neglected the effects of finite output resistance. The base current of transistor Q> is
equal to

I 2
= T R ) N
Finally, KCL at the collector of Q; gives
N —1Ic1 — 2 Iy =0 (4.26)
Br(Br+1)
Since I and I3 are equal when O and Q3 are identical,
I 2
Iour = Ic3 = ]71\12 ~ IN (1 - m) 4.27)

] -
* Br(Br+1)

Equation 4.27 shows that the systematic gain error from finite S has been reduced by a factor
of [Br + 1], which is the current gain of emitter follower Q>. As a result, Q is often referred
to as a beta helper.

Although the beta helper has little effect on the output resistance and the minimum output
voltage of the current mirror, it increases the input voltage by the base-emitter voltage of Q3:

Vin = VBE1on) + VBE2(0m) (4.28)

If multiple emitter followers are cascaded to further reduce the gain error arising from finite
Br, Vin increases by an extra base-emitter voltage for each additional emitter follower, posing
one limit to the use of cascaded emitter followers.

Current mirrors often use a beta helper when they are constructed with pnp transistors
because the value of B for pnp transistors is usually less than for npn transistors. Another
application of the beta-helper configuration is in current mirrors with multiple outputs. An
example with two independent outputs is shown in Fig. 4.7. At first, ignore Q> and imagine
that Q, is simply diode connected. Also, let Rj = R; = R4 = Ohere. (The effects of nonzero
resistances will be considered in Section 4.2.4.) Then the gain from the input to each output
is primarily determined by the area ratios /s3/1s) and Is4/Is). Because the bases of three
instead of two transistors are connected together, the total base current is increased here, which
increases the gain error from the input to either output arising from finite Sr. Furthermore, the
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gain errors worsen as the number of independent outputs increases. Since the beta helper, O,
reduces the gain error from the input to each output by a factor of [8r + 1], it is often used in
bipolar current mirrors with multiple outputs.

42.3.2 MOS

Since fr — ~x for an MOS transistor, beta helpers are not used in simple MOS current
mirrors to reduce the systematic gain error. However, a beta-helper configuration can increase
the bandwidth of MOS and bipolar current mirrors.

4.2.4 Simple Current Mirror with Degeneration

4.2.4.1 Bipolar

The performance of the simple bipolar transistor current mirror of Fig. 4.6 can be improved
by the addition of emitter degeneration as shown in Fig. 4.7 for a current mirror with two
independent outputs. The purpose of the emitter resistors is twofold. First, Appendix A.4.]
shows that the matching between /iy and outputs I3 and /¢4 can be greatly improved by
using emitter degeneration. Second, as shown in Section 3.3.8, the use of emitter degeneration
boosts the output resistance of each output of the current mirror. Transistors Q) and QO
combine to present a very low resistance at the bases of Q3 and Q4. Therefore, from (3.99),
the small-signal output resistance seen at the collectors of Q3 and Q4 is

R, = ro(1 + guRE) (4.29)

if rz 3> Rg. Taking Q3 as an example and using g,,3 = Icz/ Vr, we find
Ic3R;3
B <1 ylo > (4.30)

This increase in the output resistance for a given output current also decreases the component
of systematic gain error that stems from finite output resistance by the same factor. From (4.9)
and (4.30) with infinite SF,

Ver2 — Verr

Erre —E e S
Ic3R;

By f 1
A( =+ Vr )

(4.31)
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The quantity I3 Rj3 is just the dc voltage drop across Rj;. If this quantity is 260 mV, for
example, then R, is about 10r, at room temperature, and € is reduced by a factor of about
eleven. Unfortunately, this improvement in R, is limited by corresponding increases in the
input and minimum output voltages of the mirror:

VIN =~ VeEton) + VaE20m) + INRY (4.32)

and

Voutmin) = Veessay + Ic3R3 (4.33)

The emitter areas of @, 03, and Q4 may be matched or ratioed. For example, if we want
Iout1 = hn and Tout2 = 25N, we would make Q3 identical to @, and Q4 consist of two
copies of (| connected in parallel so that Ig4 = 2757. In addition, we could make R3 = Rj,
and Ry consist of two copies of R; connected in parallel so that R4 = R; /2. Note that all the
dc voltage drops across Rj, R3, and Ry would then be equal. Using KVL around the loop
including Q) and Q4 and neglecting base currents, we find

1 1
TciR + Vrin & = JouRy + Vrln =22 (4.34)
ISl 154
from which
1 hn T
Iour2 = Ics = = <IINR1 +Vrln ﬁﬁ) (4.35)
R4 Ica I
Since Isq4 = 215, the solution to (4.35) is
R
Iouts = —hn = 21N (4.36)
R4

because the last term in (4.35) goes to zero. If we make the voltage drops /InR) and Ics Ry
much greater than V7, the current-mirror gain to the Q4 output is determined primarily by
the resistor ratio R4/ R), and only to a secondary extent by the emitter area ratio, because the
natural log term in (4.35) varies slowly with its argument.

4.2.4.2 MOS

Source degeneration is rarely used in MOS current mirrors because, in effect, MOS transistors
are inherently controlled resistors. Thus, matching in MOS current mirrors is improved simply
by increasing the gate areas of the transistors.2>* Furthermore, the output resistance can be
increased by increasing the channel length. To increase the output resistance while keeping the
current and Vgs — V; constant, the W/L ratio must be held constant. Therefore, the channel
width must be increased as much as the length, and the price paid for the improved output
resistance is that increased chip area is consumed by the current mirror.

4.2.5 Cascode Current Mirror

4.2.5.1 Bipolar

Section 3.4.2 shows that the cascode connection achieves a very high output resistance. Since
this is a desirable characteristic for a current mirror, exploring the use of cascodes for high-
performance current mirrors is natural. A bipolar-transistor current mirror based on the cascode
connection is shown in Fig. 4.8. Transistors Q3 and @ form a simple current mirror, and emitter
resistances can be added to improve the matching. Transistor (2 acts as the common-base part
of the cascode and transfers the collector current of Q) to the output while presenting a high
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with bipolar transistors.

output resistance. Transistor Q4 acts as a diode level shifter and biases the base of Q1 so that
Q) operates in the forward-active region with Vcg; = Vegs = Vegson). If we assume that
the small-signal resistances of diodes O3 and Q4 are small, a direct application of (3.98) with
Rr = ry) concludes that

Em?2¥ol

Ry=rp |1+ @l | < Boroez 4.37)
I = ==
Bo

because gmary1 = gmirot > Bo. This calculation assumes that almost all of the small-signal
current that flows into the collector of O» flows out its base because the small-signal resistance
connected to the emitter of Q5 is much greater than that connected to its base. A key problem
with this calculation, however, is that it ignores the effect of the simple current mirror formed
by Q3 and Q. Let iy and i, represent increases in the base and emitter currents flowing
out of @, caused by increasing output voltage. Then the simple mirror forces i,; >~ ip;. Asa
result, the variation in the collector current of Q> splits into two equal parts and half flows in
rra. A small-signal analysis shows that R, in (4.37) is reduced by half to

R, ~ ol (4.38)

2

Thus, the cascode configuration boosts the output resistance by approximately fo/2. For
Bo=100,V4 =130V, and 72 = | mA.

_ BoVa _ 100(130)
T 2l 7 2mA

In this calculation of output resistance, we have neglected the effects of r;,. Although this
assumption is easy to justify in the case of the simple current mirror, it must be reexamined
here because the output resistance is so high. The collector-base resistance r,, results from
modulation of the base-recombination current as a consequence of the Early effect, as described
in Chapter 1. For a transistor whose base current is composed entirely of base-recombination
current, the percentage change in base current when Vg is changed at a constant Vpg would
cqual that of the collector current, and r,, would be cqual to Bgr,. In this casc, the effect of

R, =6.5MQ (4.39)
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r, would be to reduce the output resistance of the cascode current mirror given in (4.38) by a
factor of 1.5.

In actual integrated-circuit npn transistors, however, only a small percentage of the base
current results from recombination in the base. Since only this component is modulated by the
Early effect, the observed values of r,, are a factor of 10 or more larger than Sor,,. Therefore, r,
has a negligible effect here with npn transistors. On the other hand, for lateral pnp transistors,
the feedback resistance 7, is much smaller than for npn transistors because most of the base
current results from base-region recombination. The actual value of this resistance depends
on a number of process and device-geometry variables, but observed values range from 20 5
times Bor,. Therefore, for a cascode current mirror constructed with lateral pnp transistors, the
effect of r,, on the output resistance can be significant. Furthermore, when considering current
mirrors that give output resistances higher than fgr,, the effects of r,, must be considered.

In the cascode current mirror, the base of (1 is connected to a low-resistance point because
Q3 is diode connected. As a result, feedback from 7, is greatly attenuated and has negligible
effect on the output resistance. On the other hand, if the resistance from the base of Q) to
ground is increased while all other parameters are held constant, local feedback from ry
significantly affects the base-emitter voltage of | and reduces the output resistance. In the
limit where the resistance from the base of Q) to ground becomes infinite, Q; acts as if it were
diode connected. Local feedback is considered in Chapter 8.

The input voltage of the cascode current mirror is

Vin = VBE3 + VBE4 = 2VBE(on) (4.40)

Although Vi is higher here than in (4.10) for a simple current mirror, the increase becomes a
limitation only if the power-supply voltage is reduced to nearly two diode drops.

The minimum output voltage for which the output resistance is given by (4.38) must allow
both Q| and Q> to be biased in the forward-active region. Since Vcg1 = Vegz = VeEon).

VouTminy = VcE1 + Veeasan = VBEon) + VeoE2say (4.41)

Comparing (4.41) and (4.11) shows that the minimum output voltage for a cascode current
mirror is higher than for a simple current mirror by a diode drop. This increase poses an
important limitation on the minimum supply voltage when the current mirror is used as an
active load for an amplifier.

Since Vg = Vegs, Ie1 = I¢3. and the systematic gain error arising from finite transistor
output resistance is almost zero. A key limitation of the cascode current mirror, however, is
that the systematic gain error arising from finite S is worse than for a simple current mirror.
From KCL at the collector of Q3,

213
_IE4 = IC3 + — (442)
Br
From KCL at the collector of Q4,
I
I =—Tps+ > (443)
Br
The collector current of Q> is
BF
Icy = i 4.44)
(e8] Br+1 c3 (
Substituting (4.42) and (4.44) into (4.43) gives
2Ic3 Ics
Fose = oy s il (4.45)
¢ Br  Brt1
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Rearranging (4.45) to find /3 and substituting back into (4.44) gives

gy _{ PBF U .
Iour = Ic2 = (ﬂr =3 1) - 5 = (4.46)
Br  Br+1

Equation 4.46 can be rearranged to give

48r +2
Tour = IN (1 ——— > (4.47)
BF* + 4BF +2

Equation 4.47 shows that the systematic gain error is

4 2
S .4 M (4.48)

Br-+4pr +2
When fr > 1, (4.48) simplifies to
4

€ ————— 4.49
Br +4 G

In contrast, the systematic gain error stemming from finite Sr in a simple current mirror with
identical transistors is about —2/f8F, which is less in magnitude than (4.49) predicts for a
cascode current mirror if 8z > 4. This limitation of a cascode current mirror is overcome by
the Wilson current mirror described in Section 4.2.6.

4.2.5.2 MOS

The cascode current mirror is widely used in MOS technology, where it does not suffer from
finite B effects. Figure 4.9 shows the simplest form. From (3.107), the small-signal output
resistance is

Ro = roall + (gm2 + gmb2)ro1] + Far (4.50)

As shown in the previous section, the bipolar cascode current mirror cannot realize an output
resistance larger than Bor,/2 because fp is finite and nonzero small-signal base current flows
in the cascode transistor. In contrast, the MOS cascode is capable of realizing arbitrarily
high output resistance by increasing the number of stacked cascode devices because fy —
for MOS transistors. However, the MOS substrate leakage current described in Section 1.9
can create a resistive shunt to ground from the output node, which can dominate the output
resistance for Vout > VOUT(min)-S

EXAMPLE

Find the output resistance of the double-cascode current mirror shown in Fig. 4.10. Assume
all the transistors operate in the active region with Ip = 10 pA, V4 = 50V, and g,,r, = 50.
Neglect body effect.

The output resistance of each transistor is

Va 50V

=——=——=5MQ
= T 10pA
From (4.50), looking into the drain of M»:
Roz = roa(1 + gmaror) + roi (4.51)
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Similarly, looking into the drain of M3:
Ro = roall + gmaRe2] + Ro2 4.52)
Each cascode stage increases the output resistance by a factor of about (1 4 g,,#,). Therefore,
Ry 2~ ro(1 + gmro)® ~ 5(51)> M ~ 13 G (4.53)

With such a large output resistance, other parasitic leakage paths, such as the substrate leakage
path, could be comparable to this resistance in practice.

From KVL in Fig. 4.9,
Vpsi = Vigss + Vesa — Ves2 (4.54)

Since Vpg3 = Vigss. (4.54) shows that Vpg) = Vpsz when Vg2 = Vigga. Under this condi-
tion, the systematic gain error of the cascode current mirror is zero because M; and M3 are
identically biased, and because fr — oo for MOS transistors. In practice. Vg2 is not exactly
equal to Vg4 even with perfect matching unless Vour = Vin because of channel-length
modulation. As a result, Vps1 =~ Vps3 and

€~0 (4.55)
The input voltage of the MOS cascode current mirror in Fig. 4.9 is

ViN = Vi3 + Viesa
=Via+ Vs + Via+ Vg (4.56)

The input voltage here includes two gate-source drops, each composed of threshold and
overdrive components. Ignoring the body effect and assuming the transistors all have equal
overdrives,

ViN = 2V, + 2V, (457)

Also, adding extra cascode levels increases the input voltage by another threshold and another
overdrive component for each additional cascode. Furthermore, the body effect increases
the threshold of all transistors with Vsg > 0. Together, these facts increase the difficulty of
designing the input current source for low power-supply voltages.

When M, and M> both operate in the active region, Vps1 ~ Vps3 = Vgg3. For M» to
operate in the active region, Vpsa > V,2 is required. Therefore. the minimum output voltage
for which M} and M> operate in the active region is

Voutmim = Vpsi + Vo2
= Vess+ Vo2 = Vi + Vs + Vo (4.58)

If the transistors all have equal overdrives,
VouT(min) = Vi + 2V, (4.59)

On the other hand, M» operates in the triode region if Vout < VouT(nin), and both M and M>
operate in the triode region if Vout < V,y1. These results are shown graphically in Fig. 4.95.

Although the overdrive term in (4.59) can be made small by using large values of W for a
given current, the threshold term represents a significant loss of voltage swing when the current
mirror is used as an active load in an amplifier. The threshold term in (4.59) stems from the
biasing of the drain-source voltage of M| so that

Vpsi = Vin — Vis2 (4.60)
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Ignoring the body effect and assuming that M-M} all operate in the active region with equal
overdrives,

Vpsi = Vi+ Vo (4.61)
Therefore, the drain-source voltage of M is a threshold larger than necessary to operate M
in the active region. To reduce Vps;, the voltage from the gate of M, to ground can be level
shifted down by a threshold as shown in Fig. 4.11a. In practice, a source follower is used to
implement the level shift, as shown in Fig. 4.115.5 Transistor Ms acts as the source follower
and is biased by the output of the simple current mirror M3 and M. Because the gate-source
voltage of M5 is greater than its threshold by the overdrive, however, the drain-source voltage
of M} would be zero with cqual thresholds and overdrives on all transistors. To bias M at the
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Figure 4.11 (a) MOS cascode current mirror with improved biasing for maximum voltage swing.
(b) Practical implementation. (¢) I-V characteristic.
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boundary between the active and triode regions,
Vosi = Vo (4.62)

is required. Therefore, the overdrive on M} is doubled by reducing its W/ L by a factor of four
to satisfy (4.62). As a result, the threshold term in (4.59) is eliminated and

VOUT(min) = zvov (4.63)

Because the minimum output voltage does not contain a threshold component, the range of
output voltages for which M and M, both operate in the active region is significantly improved.
Therefore, the current mirror in Fig. 4.11 places much less restriction on the range of output
voltages that can be achieved in an amplifier using this current mirror as an active load than
the mirror in Fig. 4.9. For this reason, the mirror in Fig. 4.11 is called a high-swing cascode
current mirror. This type of level shifting to reduce Vour(min; can also be applied to bipolar
circuits.

The output resistance of the high-swing cascode current mirror is the same as in (4.50) when
both M| and M, operate in the active region. However, the input voltage and the systematic
gain error are worsened compared to the cascode current mirror without level shift. The input
voltage is still given by (4.56), but the overdrive component of the gate-source voltage of
M, has increased by a factor of two because its W/L has been reduced by a factor of four.
Therefore,

N = 2VI i 3Vm' (4.64)

Since M3 and M; form a simple current mirror with unequal drain-source voltages, the
systematic gain error is
e Vbsi — Vps3 ~ Voo =Vt Vor) _ ¥Vt (4.65)
Va Va Va
The negative sign in (4.65) shows that Iout < fin. For example, if IZv = 100 pA, V, =1V,
and V4 = 10 V. e ~ —0.1, which means that /oyT =~ 90 pA.

In practice, (W/L)4 < (1/4)W/L) is usually selected for two reasons. First, MOS tran-
sistors display an indistinct transition from the triode to active regions. Therefore, increasing
the drain-source voltage of M) by a few hundred millivolts above V,,, is usually required to
realize the incremental output resistance predicted by (4.50). Second, although the body effect
was not considered in this analysis, it tends to reduce the drain-source voltage on M/, which
is determined by the following KVL loop

Vps1 = Vgsi + Vs — Voss — Vesa (4.66)

Each of the gate-source voltage terms in (4.66) contains a threshold component. Since the
source-body voltage of Ms is higher than that of My, V5 > V4. Also, V;» > V)3 because the
source-body voltage of M; is higher than that of M3. Simulations with high-accuracy models
are usually required to find the optimum (W/L)y.

Onc drawback of the current mirror in Fig. 4.11 is that the input current is mirrored
to a new branch to do the level shift. Combining the input branches eliminates the possi-
bility of mismatch between the two branch currents and may reduce the power dissipation.
In a single combined input branch, some element must provide a voltage drop equal to the
desired difference between the gate voltages of M| and M». To bias M; at the edge of the
active region, the required voltages from the gates M; and M> to ground are V; + V,, and
V; + 2V,,, respectively. Therefore, the desired difference in the gate voltages is V. This
voltage difference can be developed across the drain to the source of a transistor deliberately
operated in the triode region, as shown in Fig. 4.12a.7 Since M is diode connected, it operates
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Figure 4.12 (a) Circuit that forces M5 to operate in the triode region. (b) Sooch cascode current mirror
using the circuit in (a).

in the active region as long as the input current and threshold are positive. However, since the
gate-source voltage of Mg is equal to the gate-drain voltage of M5, a channel exists at the drain
of Ms when it exists at the source of Mg. In other words, M¢ forces M5 to operate in the triode
region.

To use the circuit in Fig. 4.12a in a current mirror, we would like to choose the aspect
ratios of the transistors so that the drain-source voltage of Ms is V,,.. Since M operates in the
active region,

!

_k(w 2
In = 5 (L )6(V656 Vi) (4.67)

Since M5 operates in the triode region,

K (W 5
In = o) <T)5 (Z(Vcss — Vi)Vpss — (Vpss) ) (4.68)
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The goal is to set

Vbss = Vou (4.69)
when
Vose = Vi + Vou (4.70)
From (4.69) and (4.70),
Viss = Vise + Vpss = Vi + 2V @71
Substituting (4.68) - (4.71) into (4.67) gives
(1) 0 =5 (1), (2avova - ) @72)

Equation 4.72 can be simplified to

(2] =12 -
L)s 3\LJ

The circuit of Fig. 4.12a is used in the current mirror of Fig. 4.12b,” which is called the
Sooch cascode current mirror after its inventor. At first, ignore transistor M4 and assume that
M3 is simply diode connected. The difference between the voltages to ground from the gates
of M} and M3 is set by the drain-source voltage of Ms. By choosing equal aspect ratios for
all devices except Ms, whose aspect ratio is given by (4.73), the drain-source voltage of M5 is
V,» and M is biased at the edge of the active region. The output resistance, minimum output
voltage, input voltage, and systematic gain error are the same as in (4.50), (4.63), (4.64), and
(4.65) respectively.

Now we will consider the effect of transistor M. The purpose of My is to set the drain-
source voltage of M3 equal to that of M;. Without My, these drain-source voltages differ by a
threshold, causing nonzero systematic gain error. With My,

Vbsz = Vea — Voss (4.74)
where
Ve2 = Vis3 + Vpss (4.75)
Ignoring channel-length modulation,
Vo2 = (Vi + Vou) + Vou = Vi + 2V, (4.76)
Ignoring the body effect and assuming that M4 operates in the active region,
Vess = Vi + Vo 4.71)
Then substituting (4.76) and (4.77) into (4.74) gives
Vps3 = Vou (4.78)

If M- also operates in the active region under these conditions, Vpg3 = Vpgy. As aresult, the
systematic gain error is

e=0 4.79)

Therefore. the purpose of My is to equalize the drain-source voltages of M3 and M to reduce
the systematic gain crror.
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For M, to operate in the active region, Vpgs > V,,, is required. Since
Vpsa=Vess—Vpss=(Vi+ V)~V =V, (4.80)

Equation 4.80 shows that M4 operates in the active region if V; > V,,,.. Although this condition
is usually satisfied, a low threshold and/or high overdrive may cause M4 to operate in the
triode region. If this happens, the gate-source voltage of M4 depends strongly on its drain-
source voltage, increasing the systematic gain error. Since increasing temperature causes the
threshold to decrease, but the overdrive to increase, checking the region of operation of My in
simulation at the maximum expected operating temperature is important in practice.

The main limitation of the high-swing cascode current mirrors just presented, is that the
input voltage is large. In Fig. 4.11, the input voltage is the sum of the gate-source voltages of
My and My and is given by (4.64) ignoring body effect. In Fig. 4.12, the input voltage is

Vin = Vgss + Vpss + Viss
=Vi+ Voo + Voo + Vi + Vi
=2V, 4+ 3V, (4.81)

Equation 4.81 shows that the input voltage of the high-swing cascode current mirror in
Fig. 4.12 is the same as in (4.64) for Fig. 4.11. The large input voltages may limit the minimum
power-supply voltage because a transistor-level implementation of the input current source
requires some nonzero drop for proper operation. With threshold voltages of about 1V, the
cascode current mirrors in Figs. 4.11 and 4.12 can operate properly for power-supply voltages
greater than about 3 V. Below about 2 V, however, reduced thresholds or a new configuration
is required. Reducing the magnitude of the threshold for all transistors increases the difficulty
in turning off transistors that are used as switches. This problem can be overcome by using
low-threshold devices in the current mirror and high-threshold devices as switches, but this
solution increases process complexity and cost. Therefore, circuit techniques to reduce the
input voltage are important to minimize cost.

To reduce the input voltage, the input branch can be split into two branches, as shown
in Fig. 4.13. If M and M> are biased in the active region, the output resistance is still given
by (4.50). Also, the minimum output voltage for which (4.50) applies is still given by (4.63).
Furthermore, if My operates in the active region, the drain-source voltage of M3 is equal to
that of M|, and the systematic gain error is still zero as in (4.79).
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Figure 4.13 MOS high-swing current mirror with two input branches.
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Since the mirror in Fig. 4.13 has two input branches, an input voltage can be calculated
for each:

Vint = Vpss + Vgse = Vi + 2V (4.82)

Vine = Vgsa =V, + Vo (4.83)

Both Vi and Vin2 are less than the input voltage given in (4.64) for Fig. 4.12b by more than
a threshold, allowing the input current sources to operate properly with power-supply voltages
greater than about 2 V, assuming thresholds of about 1 V.

Finally, in Fig. 4.13, the drain-source voltage of M5 is only used to bias the source of M.
Therefore, Ms and Mg can be collapsed into one diode-connected transistor whose source is
grounded. Call this replacement transistor M7. The aspect ratio of M7 should be a factor of
four smaller than the aspect ratios of M-M4 to maintain the bias conditions as in Fig. 4.13.In
practice, the aspect ratio of M7 is further reduced to bias M past the edge of the active region
and to overcome a mismatch in the thresholds of M7 and M, caused by body effect.

4.2.6 Wilson Current Mirror

4.2.6.1 Bipolar
The main limitation of the bipolar cascode current mirror is that the systematic gain error stem-
ming from finite 8 was large, as givenin (4.49). To overcome this limitation, the Wilson current
mirror can be used as shown in Fig. 4.14a.8 This circuit uses negative feedback through ),
activating Q3 to reduce the base-current error and raise the output resistance. (See Chapter 8.)

From a qualitative standpoint, the difference between the input current and I3 flows into
the base of Q5. This base current is muitiplied by (8f + 1) and flows in the diode-connected
transistor 0, which causes current of the same magnitude to flow in Q3. A feedback path
is thus formed that regulates I3 so that it is nearly equal to the input current, reducing the
systematic gain error caused by finite Sr. Similarly, when the output voltage increases, the
collector current of Q7 also increases, in turn increasing the collector current of Q. As a result,
the collector current of Q3 increases, which reduces the base current of O>. The decrease in
the base current of Q> caused by negative feedback reduces the original change in the collector
current of 0> and increases the output resistance.

To find the output resistance of the Wilson current mirror when all transistors operate in
the active region, we will analyze the small-signal model shown in Fig. 4.14b, in which a

DL
Vze (> 82V To2
;
b

@

i *
1
Zuil

T T

() (b)

Figure 4.14 () Bipolar Wilson current mirror. (b) Small-signal model.



Page 76 of 90

4.2 Current Mirors 273

test current source i, is applied at the output. Transistors Q; and Q3 form a simple current
mirror. Since @) is diode connected, the small-signal resistance from the base of @1 to ground
is (1/gm1)||rm1lirzallror. Assume that an unknown current i flows in this resistance. When
EmiFat > 1, gmirz3s > 1, and g7 3> 1, this resistance is approximately equal to 1/g,,1.
Transistor Q3 could be modeled as a voltage-controlled current source of value g,,3vy3 in
parallel with r,,3. Since v;3 = vy = 1) /gm1, the voltage-controlled current source in the model
for Q3 can be replaced by a current-controlled current source of value (g,,3/8m1)({1) = 1(i1),
as shown in Fig. 4.14b. This model represents the behavior of the simple current mirror directly:
The input current {; is mirrored to the output by the current-controlled current source.
Using this model. the resulting voltage v, is

i .
vy = —— + (iy — gm2Va2)re2 (4.84)
8ml

To find the relationship between /| and v;», note that the voltage across r,3 is (i1 /gm1 + vx2)
and use KCL at node (2) in Fig. 4.14b to show that

i

i + V2
2 rip+Eml g (4.85)
a2 Fo3
Rearranging (4.85) gives
1=t
Vaz = —i1Tm % (4.86)
¥o3

To find the relationship between 71 and 7;, use KCL at node (1) in Fig. 4.14b to show that

im0 — i (4.87)
Fr2

Substituting (4.86) into (4.87) and rearranging gives

i = ¥ : (4.88)

+ gmr,

ml¥g3
1+ 1 2
Yo3
Substituting (4.88) into (4.86) and rearranging gives
1
14
. I
Ul = =lig | ngl "31—— (4.89)
24 e PP
Yo3 8m1to3
Substituting (4.88) and (4.89) into (4.84) and rearranging gives
1
¥ i Em2¥rn2ry2 <1 I - 1)
Ry= "= —— +ro + =L o)
’ 1+ 24—+
gmt |1+ M Fo3 Em1ro3
1+ 22
Fo3
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If r,3 — oc, the small-signal current that flows in the collector of Q3 is equal to i} and (4.90)
reduces to

gmatnaloy _ Porsa
ofe gy BB B
gml(z) ’ 2 2

This result is the same as (4.38) for the cascode current mirror. In the cascode current
mirror, the small-signal current that flows in the base of (5 is mirrored through Q3 to Q; so
that the small-signal base and emitter currents leaving @, are approximately equal. On the
other hand, in the Wilson current mirror, the small-signal current that flows in the emitter of
Q> is mirrored through Q) to Q3 and then flows in the base of ;. Although the cause and
effect relationship here is opposite of that in a cascode current mirror, the output resistance is
unchanged because the small-signal base and emitter currents leaving Q> are still forced to be
equal. Therefore, the small-signal collector current of Q- that flows because of changes in the
output voltage still splits into two equal parts with half flowing in rp.

For the purpose of dc analysis, we assume that V4 — >c and that the transistors are
identical. Then the input voltage is

(4.91)

VIN = Vees = Veer + Vee2 = 2VBE(on) (4.92)

which is the same as in (4.40) for a cascode current mirror. Also, the minimum output voliage
for which both transistors in the output branch operate in the forward-active region is

VouTmin) = Veer + Veeasay = VaEonm + VeEasay (4.93)

The result in (4.93) is the same as in (4.41) for a cascode current mirror.
To find the systematic gain error, start with KCL at the collector of Q| to show that

1 1
4m=m+m+m=k«H~ﬁ+9 (4.94)
Br Br

Since we assumed that the transistors are identical and V4 — ~,
I3 =1I¢) (4.95)
Substituting (4.95) into (4.94) gives
2
—Igy = I <1 + —> (4.96)
BF
Using (4.96), the collector current of Q5 is then

h=_®<$ZJ:h”O+%)C£%> 5

Rearranging (4.97) we obtain

1

P = T (4.98)
(5 Xes)
Br/\1+ BF
From KCL at the base of Q»,
o
Ie3 =TI — - (4.99)
Br



Page 78 of 90

4.2 Current Minors 275

Inserting (4.98) and (4.99) into (4.95), we find that

I Lrm=i (1 . ) Inv (4.100)
OUT = iC2 = /IN —~ = )
Br+2BF+2 i 2

Br (BF+2)

In the configuration shown in Fig. 4.14a, the systematic gain error arising from finite
output resistance is not zero because Q3 and Q) operate with collector-emitter voltages that
differ by the base-emitter voltage of (>. With finite V4 and finite Ar,

2 Vel — Vees
Iour >~ K (l — )(l -+ )
T T B 2pr 42 Va

2 VE2
>~hn{l—-= — 1 - — (4.101)
ﬂ’:' -+ ZﬁF + 2 VA
Therefore, the systematic gain error is
2 V
e:—( " + BE2> (4.102)
Br+2BF+2 Va

Comparing (4.102) to (4.49) shows two key points. First, the systematic gain error arising from
finite SF in a Wilson current mirror is much less than in a cascode current mirror. Second,
the systematic gain error arising from finite output resistance is worse in the Wilson current
mirror shown in Fig. 4. 144 than in the cascode current mirror shown in Fig. 4.9. However, this
limitation is not fundamental because it can be overcome by introducing a new diode-connected
transistor between the collector of Q3 and the base of @1 to equalize the collector-emitter
voltages of Oz and Q).

4.2.6.2 MOS

Wilson current mirrors are also used in MOS technology, as shown in Fig. 4.15. Ignoring M.
the circuit operation is essentially identical to the bipolar case with fr — oc. One way to
calculate the output resistance is to let r;2 — 00 in (4.90), which gives

1
Ry = — 4 rp2 + gmaro2 (] 4 > ro3 = (1 + gmaro3)roz (4.103)
Em1 Em1¥o3
Voo
] l’om =Ipo
C) i
iy fi e
M, :] —— l: M,
Vin Vour
My :l _ l: M, Figure 4.15 Tmproved MOS
Wilson current mirror with an
_ _ additional device such that the

drain voltages of M, and M3 are
equal.

.||-—<
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Since the calculation in (4.103) is based on the small-signal model for the bipolar Wilson
current mirror in Fig. 4.14b, it ignores the body effect in transistor M>. Repeating the analysis
with a body-effect generator in parallel with r,» gives

Ro >~ 2+ gmaros)ro2 (4.104)

The body effect on M, has little effect on (4.104) because M is diode connected and therefore
the voltage from the source of M> to ground is almost constant.

Although Br — o0 for MOS transistors, the systematic gain error is not zero without M
because the drain-source voltage of M3 differs from that of M by the gate-source voltage of
M>. Therefore, without My,

Vst — Vbss V
¢ = /DS Ds3 _ _VGs2 (4.105)
VA Va
Transistor My is inserted in series with M3 to equalize the drain-source voltages of M3 and
M so that

€~0 (4.106)

With M., the output resistance is still given by (4.104) if all transistors operate in the active
region. Also, insertion of M4 does not change either the minimum output voltage for which
(4.104) applics or the input voltage. Ignoring body cffect and assuming equal overdrives on
all transistors, the minimum output voltage is

Voutmin) = Vgst + V. = Vi + 2V, (4.107)
Under the same conditions, the input voltage is

VIN = Vgs1 + Vesa =2V, + 2V, (4.108)

4.3 Active Loads
4.3.1 Motivation

In differential amplifiers of the type described in Chapter 3, resistors are used as the load
elements. For example, consider the differential amplifier shown in Fig. 3.45. For this circuit,
the differential-mode (dm) voltage gain is

Adm = —8&m Re (4109)

Large gain is often desirable because it allows negative feedback to make the gain with feedback
insensitive to variations in the parameters that determine the gain without feedback. This topic is
covered in Chapter 8. In Chapter 9, we will show that the required gain should be obtained in as
few stages as possible to minimize potential problems with instability. Therefore, maximizing
the gain of each stage is important.

Maultiplying the numerator and denominator of (4.109) by 7 gives

I(R¢)
T/ gm

With bipolar transistors, let I represent the collector current Ic of each transistor in the
differential pair. From (1.91), (4.110) can be rewritten as
IcRc

Agpy = ———— 4.111
dm VT ( )

(4.110)

Adm = -
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Index

Abrupt junction, 4

Active cascode, 210

Active-cascode op amp, 446
Active-device parameter summary, 73
Active level shift, 439, 458, 469, 485
Active load, 276, 421, 448, 457, 546

common-emitter amplifier, 277, 280, 284

common-mode rejection ratio, 291

common-source amplifier, 277, 280, 282

complementary, 277
current-mirror, 285
depletion, 280
diode-connected, 282
enhancement, 284
noise, 776
offset voltage, 330
Advanced bipolar integrated-circuit
fabrication, 92, 106
All-npn output stage, 375
Amplifier:
current, 557
fully differential, 799, 811
operational, see Operational amplifier
transconductance, 562
transresistance, 560
voltage, 557
wideband, 514, 527, 575, 617
Amplifier stages:
Class A, 349, 576
Class AB, 361, 461, 688
Class B, 362
multiple-transistor, 201
single-transistor, 173
Analog multiplier, 708, 711
Anneal, 87
Avalanche breakdown, 7, 21, 49, 71
Avalanche noise, 743
Average power, 345

Balanced circuit, 796

Balanced differential amplifier, 799

Balanced modulator, 712

Band-gap reference, 315, 321
curvature compensated, 318

Bandwidth of feedback amplifiers, 624

Base-charging capacitance, 27

Base-diffused resistors, 118
Base diffusion, 86

Base-emitter voltage temperature coefficient,

11, 315

Base resistance, 30, 98

Base transport factor, 13

Base width, 12

Beta, see Current gain

Bias reference circuit:
band-gap, 315, 321
bootstrap, 307
current routing, 329
low-current, 297
proportional to absolute temperature,

321

self-biased, 307
start-up circuit, 308, 312
supply-insensitive, 303
temperature-insensitive, 315
threshold-referenced, 307
Vgg-referenced, 308, 311
voltage routing, 329
Vr-referenced, 314, 315

BiCMOS, 152
amplifier, 249, 618, 794
cascode, 209
Darlington, 204, 791
output stage, 377, 398
technology, 152

Bilateral amplifier, 172

Bipolar transistor:
advanced technology, 95, 106
base-charging capacitance, 27
base resistance, 30, 98
base transit time, 28
breakdown voltage, 20, 86
in CMOS technology, 144, 151
collector-base resistance, 30
collector series resistance, 89, 100
current-mirror matching, 325
cutoff region, 146
diffusion profile, 91
fabrication, 88, 92
forward-active region, 45
frequency response, 34
heterojunction, 153
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Bipolar transistor (Continued )
input resistance, 28
inverse-active region, 16
large-signal models, 8
lateral, 140
noise, 745, 750
output characteristics, 15
output resistance, 29
parameter summary (functional), 73
parameter summary (numerical), 106,
108, 112, 114
parasitic capacitance, 31, 106, 111, 116
reverse-active region, see Inverse-active
region
saturation current, 18, 97, 316
saturation region, 17
self-aligned structure, 94
small-signal model, 25
SPICE model parameters, 162
transconductance, 26
Bird’s beak, 141, 257, 426
Blackman’s impedance formula, 608
Body effect in MOS transistors, 53, 139
Boltzmann approximation, 10
Bootstrap bias technique, 307
Breakdown, 6
in bipolar transistors, 38
in MOSFETs, 49
in superbeta transistors, 124
Breakdown voltage:
base-emitter, 22
collector-base, 20, 86
collector-emitter, 21
drain-substrate, 49
junction-diode, 7
MOS transistor, 45
superbeta transistors, 124
Zener diode, 8
Built-in potential, 2
Buried layer, 89
Burst noise, 745

Capacitance:
base-charging, 27
base-collector, 31, 97
base-emitter, 31, 96
channel-substrate, 138
collector-substrate, 31, 103
depletion region, 5, 31, 54, 103, 140, 530
drain-body, 54

gate-body, 55
gate-drain, 51
gate-source, 51
gate-substrate, see Capacitance: gate-body
overlap, 55, 142
sidewall, 143
source-body, 54
Capacitive neutralization, 835
Capacitors:
in bipolar integrated circuits, 115
lateral, 150
in MOS integrated circuits, 148
MOS transistors, 148
poly-poly, 146
vertical, 146
Capture range, 718, 726
Cascode configuration, 205, 207, 439, 442,
446, 527
active, 210, 446
Cascode current mirror, 261, 690
Bipolar, 261
MOS, 264
Cascode frequency response, 527
Channel-length modulation, 43
Class A output stage, 349, 576
Class AB input stage, 688
Class AB output stage, 364
Class B output stage, 361
Clipping, 346, 361
Closed-loop gain, 401, 554, 601
Clubhead, 116
CMEB, see Common-mode feedback
CMOS operational amplifier:
fully differential, 834
with single-ended output, 421, 439, 442,
446
CMOS output stage, 379
CMOS technology, 46, 128
Collector-base capacitance, 102
Collector-base resistance, 30
Collector-series resistance, 32, 100
Common-base configuration, 182, 184, 185,
514,529
Common-base frequency response, 514
Common-base stage noise performance, 771
Common centroid geometry, 437
Common-collector-common-collector
configuration, 201
Common-collector-common-emitter
configuration, 201
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Common-collector configuration, 191, 505
Common-drain configuration, 194, 511,
591
Common-emitter-common-base
configuration, see cascode configuration
Common-emitter configuration, 174, 490,
495
Common-emitter frequency response, 490,
498
Common-emitter output stage, 576
Common-gate configuration, 185, 187,
514
Common-gate frequency response, 514
Common-mode feedback, 227, 286, 458, 804
circuits, 796
using a resistive divider, 812
using switched capacitors, 821
using transistors in the triode region, 812
using two differential pairs, 816
Common-mode feedback loop, 804
bandwidth, 844
stability and compensation, 810
Common-mode gain, 222, 804
Common-mode half-circuit, 226, 239,
804
Common-mode input range, 854
Common-mode input resistance, 228
Common-mode rejection ratio, 223, 228,
234,417,427
of active-load stage, 293
frequency response, 501
Common-mode-to-differential-mode gain,
222
Common-source amplifier, 181, 490, 499
Common-source-common-gate
configuration, see cascode configuration
Common-source frequency response, 490,
498, 500
Compensation:
of amplifiers, 633
capacitor, 597, 637, 682
by feedback zero, 677
methods, 637
of MOS amplifiers, 643, 650
of NE5234 op amp, 658
nested Miller method, 654
theory, 633
Complementary load, 277
Complementary output stage, 360
Composite pnp, 377

Index 873

Conductivity, 80
Copper, 156
Correlation, 747, 756, 789
Critical field, 7, 59
Crossover distortion, 362, 365, 368, 375, 384
Crossunder, 117
Crowding, 32, 99
Current amplifier, 562
Current crowding, 32, 99
Current density, 425
Current-feedback pair, 586, 677, 768
Current gain:
dependence on operating conditions, 23,
110
forced, 18
forward, 12
inverse, 19
npn transistor, 105
pnp transistor, 107
short-circuit, 177
small-signal, 29
small-signal high-frequency, 34
temperature coefficient, 23
Current mirror, 251
with beta helper, 258
cascode, 261, 264
current routing, 329
with degeneration, 260, 261
gain error, 252
general properties, 251
high-swing cascode, 268
input voltage, 252
load, 285
matching, 325
minimum output voltage, 255
output resistance, 252, 254, 257, 258, 260,
261, 264, 266, 272, 275
simple, 253, 255
Sooch cascode, 269, 270
voltage routing, 329
Wilson, 272, 275, 595, 610
Current routing, 329
Current source, 297, 300, 301, 302, 303,
304, 307
Peaking, 301, 302
Widlar, 297, 300, 304
Cutoff, 46

Darlington configuration, 201, 203, 397,
595, 791
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dc analysis of the NE5234 op amp, 452
Deadband, 361, 368, 375
Depletion-mode load, 281
Depletion region:
capacitance, 5, 31, 54, 103, 530
collector-base, 14, 89
of pn junction, 1
Deviation from ideality in real op amps, 415
Die, 91
Dielectric isolation, 123
Differential amplifier, 220, 404
perfectly balanced, 222
unbalanced, 237
Differential-mode gain, 222, 804
Differential-mode half-circuit, 225, 239,
804
Differential-mode input resistance, 228
Differential-mode-to-common-mode gain,
222, 838
Differential pair:
bipolar transistor, 214
MOS, 217
noise performance, 773
with current-mirror load, 285, 534
Differential signal source, 800
Differential-to-single-ended conversion, 291
Differentiator, 406
Diffused-layer sheet resistance, 82
Diffused resistors, 115
Diffusion constant, 10
Diffusion current, 10
Diffusion of impurities, 80
Diffusion profile of a bipolar transistor, 91,
92, 96, 98
Diode:
Junction, 121
Zener, see Zener diode
Diode-connected load, 282
Diode-connected MOS transistor, 255
Distortion, 358, 399
Distortion in the source follower, 355
Distortion reduction by negative feedback,
553
Dominant pole, 495, 497, 499, 518,
522,524
Doping, 79
Double-diffused npn transistors, 95
Double-diffused pnp transistors, 126
Drift, emitter-coupled pair, 234
source-coupled pair, 238

Driver stage, 343, 351, 366, 367, 369, 370,
371, 389, 395

Early effect, 16, 21, 262
Early voltage, 15, 29, 43, 52, 255, 258
Ebers-Moll equations, 19
Economics of IC fabrication, 156
Effective channel length, 43, 140
Effective channel width, 141
Efficiency:
Class A, 347, 349, 350
Class B, 360, 362, 366, 375
Electromigration, 156
Emitter-coupled multivibrator, 728
Emitter-coupled pair, 214, 704, 773
emitter degeneration, effect of, 216
frequency response, 495
input offset current, 230, 234
input offset voltage, 230, 231
offset voltage drift, 233
small-signal analysis, 220, 237
transfer characteristics, 214
Emitter degeneration, 196, 216, 260, 587
Emitter-diffused resistors, 117
Emitter-follower, 191
drive requirements, 351
frequency response, 505
noise performance, 773
output stage, 341, 344, 576
small-signal properties, 192, 352
terminal impedances, 507
transfer characteristics, 341
Emitter injection efficiency, 13
Emitter resistance, 32
Enhancement load, 284
Epitaxial growth, 86
Epitaxial resistor, 119
Equivalent circuit of an op amp, 420
Equivalent input noise generators, 756
Equivalent input noise resistance, 758
Equivalent input shot noise current,
759
Etching, 85

Fabrication of integrated circuits, 78
Feedback, 403, 553
bandwidth, 624
common mode, 227, 286, 458, 804
configurations, 557
effect on distortion, 555
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effect on gain sensitivity, 555

effect on noise, 764

effect on terminal impedances, 558, 561,

562, 563, 607

ideal analysis, 553

latchup, 151

loading, effect of, 563

local, 227, 263

loop gain, 384, 401, 554

practical configurations, 563

return ratio, 599, 612

series-series, 562, 569

series-shunt, 557, 579

shunt-series, 561, 583

shunt-shunt, 560, 563

single-stage, 587

table of relationships, 588
Feedback-zero compensation, 677
Feedforward, 389, 644-650, 660
Field-effect transistor, see MOS transistor
Field region, 128
First-order phase-locked loop, 720
Flicker noise, 741
Flicker noise corner frequency, 746
Folded-cascode op amp, 446, 652
Forward-active region, 8, 26, 45, 112, 175
Free-running frequency, 717, 726
Frequency response:

bipolar transistor, 33, 56

cascode, 527

common-base, 514

common-drain, 511

common-emitter, 495

common-emitter cascode, 527

common-gate, 514

common-mode, 501

common-source, 499

common-source cascode, 527

of CMRR, 503

of current mirror, 251, 256

differential-mode, 495, 496, 500

of differential pair with current-mirror

load, 290, 534

emitter follower, 505

MOS amplifier, 643, 650

MOS transistor, 55

multistage amplifier, 518

NES5234 op amp, 539

single stage, 490

source follower, 511

Index 875

Full-power bandwidth, 692
Fully differential amplifiers, 796
cross gains, 838
Fully differential op amps, 796, 823, 845
folded cascode, 834
telescopic cascode, 855
two-stage, 823

Gain-bandwidth product, 625

Gain margin, 630

Gaussian distribution, 232, 244, 738
Generation, 79

Gilbert multiplier, 704
g-parameters, 583

Graded junction, 5

Guard ring, 152

Half circuit:
of balanced amplifier, 225, 226, 799
coupled, 237
of unbalanced amplifier, 239, 240
independent, 238
Harmonic distortion, 357, 399
Heterojunction, 153
High-frequency equivalent circuit of the
NE5234 op amp, 540, 659
High-level injection, 36, 110
High-voltage integrated-circuit fabrication,
88
Homojunction, 53
Hot carriers, 49
h-parameter, 579
Hybrid-r model, 30, 52

Ideal feedback analysis, 553
Impact ionization, 71, 209
Impurity concentration, 79
Instability in amplifiers, 626, 666
Instantaneous power, 345-351, 365
Integrated circuit:

advanced bipolar fabrication, 92, 107

biasing, 251

capacitors, 120, 146

cost considerations, 156, 159

current mirrors, 251

device models, 1

economics, 156

fabrication, 78

fabrication yield, 157

frequency response, 490
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Integrated circuit (Continued ) Low-level injection, 10, 110
mixed-signal, 221 Low-permittivity dielectric, 156
noise, 736
op amps, 402, 796, 823 Matching in transistor current mirrors, 325
output stages, 341 Miller capacitance, 491, 498, 500, 638, 641,
packaging, 159 831
passive components, 115, 146 Miller effect, 114, 490, 492, 497, 499, 828
phase-locked loop, 727 Minimum detectable signal, 754
resistors, 115, 119, 146 Minority-carrier lifetime, 11
Integrator: Mismatch effects in differential amplifiers,
continuous-time, 406 229
switched-capacitor, 412 Moat, 93
Interconnect delay, 156 Moat etch, 123
Internal amplifier, 407 Mobility, 80
Intrinsic carrier concentration, 2, 79 Mobility degradation, 65
Inverse-active region of bipolar transistors, Model selection for IC analysis, 170
19, 45 Modulator, 712
Inversion, 40 MOS transistor:
Inverting amplifier, 402 active region, 45
Ton implantation, 85, 87 bird’s beak, 141, 257, 426
Isolation diffusion, 89, 90 body effect, 53, 139
breakdown voltage, 149
Junction breakdown, 6, 49 channel-length modulation, 43
Junction diodes, 122 complementary MOS (CMOS), 39, 46,
127
KCL, 184 critical field, 59
Kirk effect, 25, 36 current density, 425
KVL, 184 current-mirror matching, 328
cutoff region, 46
Large-signal model: depletion mode, 47, 144, 281
bipolar transistor, 8 diode connected, 255
MOS transistor, 45 effective channel length, 43, 140
Latchup in CMOS, 151, 341 effective channel width, 141
Lateral bipolar transistor, 146 enhancement-mode, 38, 127
Lateral pnp transistor, 108, 368, fabrication, 127
376 field-effect transistor, 41
Layout, 435 field region, 128
Leakage current, 7, 18, 19 frequency response, 55
collector base, 19 hot carriers, 49
Level shifting, 194, 196, 439, 485 impact ionization, 71
Lifetime of minority carriers, 11 input resistance, 52
Line regulation, 595 inversion, 40
Load line, 345-351, 364, 365 junction breakdown, 49
Load regulation, 595 large-signal model, 45
Local feedback, 587 mobility, 42
Local oxidation, 87 mobility degradation, 65, 135
Lock range, 717, 724 moderate inversion, 69
Logarithmic amplifier, 405 n-channel, 38, 131, 144
Loop gain, 384, 401, 552 noise, 750, 762
Low-current biasing, 297 ohmic region, 44
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operational amplifier, 421
output resistance, 52
output stages, 379
overdrive, 47, 181, 434
oxide breakdown, 49
parameter summary (functional), 73
parameter summary (numerical), 132,
133, 134, 135
parasitic elements, 54
p-channel, 39, 144
punchthrough, 49
saturation region, 44, 51
short-channel effects, 59
silicon gate, 129
small-signal model, 49
source-coupled pairs, 217
source follower, 194
SPICE model parameters, 162
strong inversion, 65
substrate current, 71
subthreshold conduction, see Weak
inversion
threshold temperature dependence, 47
threshold voltage, 40, 129, 131
transconductance, 50, 63
transfer characteristic, 38
triode region, 44
weak inversion, 65, 180
velocity saturation, 59
Multiplication factor, 7
Multiplier circuits, 704
Multistage amplifier frequency response,
518

Negative feedback, see Feedback
Neutralization, 835
NMOS, 38
Noise:
in active loads, 776
amplitude distribution, 738
avalanche, 743
bandwidth, 776
burst, 742
in capacitors and inductors, 747
circuit calculations, 750
common-base stage, 771
differential pair, 773
in diodes, 736
in direct-coupled amplifiers, 785
emitter follower, 773
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equivalent input noise, 754

1/f, 741

feedback, effect of, 764

figure, 786

flicker noise, 741

generator, 738

models, 744

MOS amplifier, 746, 762, 779

in NE5234 op amp, 776

operational amplifier, 776, 855

popcorn noise, 742

in resistors, 747

shot, 736

spectral density, 737, 748

temperature, 786

thermal, 740

white, 737

in Zener diodes, 743
Nondominant pole, 495, 497, 500, 536

of NE5234 op amp, 542
Noninverting amplifier, 404
Nonlinear analog operations, 405

877

Nonlinearity, 343, 352, 353, 357, 368, 375,

393, 395, 708
Nonoverlapping clock signals, 409, 412
charge-transfer phase, 409
input sample phase, 409
Normal distribution, see Gaussian
distribution
Nyquist criterion, 626, 666
Nyquist diagram, 627

Offset current, 416
emitter-coupled pair, 231, 233
NES5234 op amp, 477, 481

Offset voltage, 424
differential pair with active load, 330
emitter-coupled pair, 231, 233

emitter-coupled pair with active load, 330

NES5234 op amp, 477
source-coupled pair, 235

source-coupled pair with active load, 337

Open-circuit time constants, 519, 536
also see Zero-value time constants
Open-loop gain, 401
Operational amplifier:
active-cascode, 446
applications, 401
bipolar, 448
with cascodes, 438
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Operational amplifier (Continued ) combined common-drain common-source,
CMOS, 421 388, 390
common-mode input range, 416, 427 common-drain, 353, 380
common-mode rejection ratio, 417, common emitter, 576
427 common-source, with error amplifiers,
compensation, 420, 633, 676 381
deviations from ideality, 415 complementary, 360
differential amplifier, 404 Darlington, 397
effect of overdrive voltages, 434 emitter follower, 341
equivalent circuit, 420 NE5234 op amp, 458, 474
folded-cascode, 442, 652, 845 overload protection, 377
frequency response, 420 parallel common-source, 390
fully differential op amps, 796, 823 push-pull, 359
input bias current, 415 quasi-complementary, 376, 381, 384, 388
input resistance, 420, 422 709 op amp, 366
internal amplifier, 407 741 op amp, 368
inverting amplifier, 402 short-circuit protection, 377
layout considerations, 435 source follower, 353, 380
MOS, 421, 438, 442, 446 Overdrive, 47
NES5234 op amp analysis, 452 Overload protection, 377
noise, 776 Oxidation, 84
offset current, 416 Oxide breakdown, 49
offset drift, 416
offset voltage, 416, 424 Packaging considerations, 159
open-circuit voltage gain, 422 Parasitic elements:
output buffer, 407 bipolar transistor, 31, 98
output resistance, 420, 422 MOS transistor, 54, 141
output swing, 423 Passive components:
power-supply rejection ratio, 418, 430, in bipolar integrated circuits, 115
435 in MOS technology, 144
random offset voltage, 426 Permittivity, 3
settling time, 411 Phase detector, 712, 716, 725, 727
with single-ended outputs, 400 Phase-locked loop:
slew rate, 420, 681 basic concepts, 718
small-signal characteristics, 422 capture range, 718, 726
supply capacitance, 432 first-order loop, 720
systematic offset voltage, 424 integrated circuit, 721, 727
telescopic-cascode, 439, 650 lock range, 717, 724
Oscillation, 624, 666, 679 loop bandwidth, 719, 724
Output buffer, 407 root locus, 719, 722
Output resistance of current mirror, 252, second-order loop, 723
254,257, 258, 260, 261, 264, 266, Phase margin, 629-638, 643, 648, 652, 658,
272,275 663, 676, 686, 694
Output stage, 341 Photolithography, 84
all-npn, 375 Photoresist, 84
BiCMOS, 377, 397 Pinch-off in MOSFETSs, 43
Class A, 349, 576 Pinch resistors, 118, 119
Class AB, 361, 379 PMOS, 39
Class B, 360 pn junction depletion region, 1
CMOS, 379 Pole splitting, 639, 642, 654, 680
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Polysilicon, 87, 93, 129 Saturation region:
Popcorn noise, 742 of bipolar transistor, 16, 175
Power conversion efficiency, 347 of MOSFET, 44, 45
Power hyperbola, 348 Scattering-limited velocity, 59, 135
Power output: Second-harmonic distortion, 358, 396
Class A, 349 Second-order phase-locked loop, 722
Class B, 362 Self-aligned structure, 94
Practical Class B output stages, 368 Self-biasing, 307
Predeposition, 81, 84 Sensitivity to power-supply voltage, 304
Probability distribution, 244 Series-series feedback, 562, 569
Protection of output stages, 377 Series-series triple, 575, 578, 583
Punchthrough, 49, 125 Series-shunt feedback, 557, 579
Push-pull output stage, 359 Sheet resistance, 82
Short-channel effects in MOS Transistors, 59
Quasi-complementary output stages, 376, Short-circuit current gain, 177
381, 384, 388 Short-circuit protection, 377, 468
Short-circuit time-constants, 536
Reciprocity condition, 19 Shot noise, 736
Recombination, 10, 11, 79 Shunt-series feedback, 561, 583
References, 297 Shunt-shunt feedback, 560, 563
Regulated cascode, see Active cascode Signal-to-noise ratio, 798
Regulator, 593 Silicide, 95, 147
Replica biasing, 822 Silicon dioxide, 84, 87
Resistivity, 79 Silicon nitride, 87
Resistor: Single-stage feedback, 587
base-diffused, 116 Single-stage frequency response, 490
base-pinch, 118 Slew rate, 681
diffused, 146 effect on sinusoidal signals, 692
emitter-diffused, 117 in fully differential folded-cascode op
epitaxial, 119 amp, 863
MOS device, 146 improvement, 685, 687
in MOS technology, 146 Small-signal analysis of NE5234 op amp,
polysilicon, 146 469
well, 144 Small-signal model:
Retum ratio, 599 bipolar transistor, 25
simulation of, 621, 857 MOS transistor, 49
Reverse-active region, see Inverse-active Source-coupled pair, 217
region of bipolar transistors frequency response, 499
Reverse injection, 13 input offset voltage, 236
Rise time, 543 offset voltage drift, 236
Root locus, 626, 642, 664 small-signal analysis, 220, 237
for dominant-pole compensation, transfer characteristics, 217
676 Source degeneration, 199, 261
for feedback-zero compensation, Source follower, 194, 511, 592
677 distortion, 355
for three-pole transfer function, 665 frequency response, 511
Root locus rules, 667 output stage, 353
small-signal properties, 194
Saturation current, of bipolar transistor, 11, super, 212, 609
97, 316 transfer characteristics, 353
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Space-charge region, see Depletion region
Spectral density of noise, 737, 748
SPICE parameter summary, 162
Square-law characteristic of MOSFETS,
43

Square-law circuit, 734
Start-up circuit, 308, 310
Step coverage, 153
Step response, 543, 862
Stress migration, 156
Substitutional impurities, 80
Substrate contact, 152
Substrate current in MOSFETs, 71
Substrate pnp transistors, 111
Subthreshold conduction, 135

also see MOS transistor: weak inversion
Summing node, 412, 553
Summing-point constraints, 403, 405
Super source follower, 212, 609
Superbeta transistors, 124
Supply-insensitive biasing, 303
Sustaining voltage, 21
Switched-capacitor amplifier, 407

parasitic insensitive, 411, 857
Switched-capacitor common-mode

feedback, 821, 853

Switched-capacitor filter, 412
Switched-capacitor integrator, 412
Symmetry:

mirror, 436

translational, 436

T model, 182, 185
Tail current source, 214, 217
Telescopic-cascode op amp, 439, 650
Temperature coefficient:
of band-gap reference, 317, 319, 324
of base-emitter voltage, 13, 311, 315
of bias reference circuits, 311, 319
of bipolar transistor current gain, 23
effective, 319
of integrated-circuit resistors, 120
of threshold voltage, 48
of Zener diodes, 121, 122
Temperature-insensitive biasing, 315
Thermal noise, 747
Thin-film resistors, 127
Third-harmonic distortion, 358, 396
Threshold-referenced bias circuit, 307

Threshold voltage of MOS transistors, 40,
129, 131
Threshold voltage temperature dependence,
47
Time constant, 36
open circuit, 519, 536
short circuit, 536
zero value, 519
Time response, 542
Transconductance amplifier, 563
Transfer characteristic:
Class B stage, 360
common-emitter amplifier, 176
emitter-coupled pair, 214
emitter-coupled pair with emitter
degeneration, 216
emitter follower, 341
source-coupled pair, 217
source follower, 353
Transit time, 28
Transition frequency fr, 34, 55, 64
Transresistance amplifier, 561
Tunneling, 8, 121
Two-port representation, 171, 563, 584

Unbalanced fully differential circuits, 838

Uniform-base transistor, 10

Unilateral amplifier, 173

Unit devices, 254, 257, 426

Unity-gain feedback configuration, 404, 634,
649, 660, 681

VgeE-referenced bias circuit, 307, 311
VCO, 716, 725, 734
Velocity saturation, 59
Virtual ground, 404
Voltage amplifier, 559
Voltage-controlled oscillator, 716, 728, 734
Voltage gain, 176, 422

open-circuit, 177, 180
Voltage regulator, 593
Voltage regulator analysis, 593
Voltage routing, 329
Vr-referenced bias circuit, 314

Wafer, 79

Well, 46, 128
Well contact, 152
White noise, 737
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Wideband amplifier, 514, 527, 575, 618,
677,753

Widlar current source, 297, 300, 304

Wilson current mirror, 272, 275, 595, 611

Yield considerations, 157
y-parameters, 563

Index 881

Zener diode, 8, 22, 121, 593, 595, 743

Zener diode noise, 743

Zener diode temperature coefficient, 120,
122

Zener-referenced bias circuit, 595

Zero-value time constant analysis, 519

z-parameters, 569





